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CHAPTER

1

Integrated-Circuit
Devices and Modelling

In this chapter, the operation and modelling of semiconductor devices are described.
Although it is possible to do simple integrated-circuit design with a basic knowledge
of semiconductor device modelling, for high-speed state-of-the-art design, an in-
depth understanding of the second-order effects of device operation and their model-
ling is considered critical.

It is assumed that most readers have been introduced to transistors and their basic
modelling in a previous course. Thus, fundamental semiconductor concepts are only
briefly reviewed. Section 1.1 describes pn junctions (or diodes). This section is
important in understanding the parasitic capacitances in many device models, such as
junction capacitances. Section 1.2 covers MOS transistors and modelling. It should be
noted that this section relies to some degree on the material previously presented in
Section 1.1, in which depletion capacitance is covered. Section 1.4 covers bipolar-
junction transistors and modelling. A summary of device models and important equa-
tions is presented in Section 1.5. This summary is particularly useful for a reader who
already has a good background in transistor modelling, in which case the summary
can be used to follow the notation used throughout the remainder of this book. In
addition, a brief description is given of the most important process-related parameters
used in SPICE modelling. Finally, this chapter concludes with an Appendix contain-
ing derivations of the more physically based device equations.

1.1 SEMICONDUCTORS AND pn JUNCTIONS

A semiconductor is a crystal lattice structure that can have free electrons (which are
negative carriers) and/or free holes (which are an absence of electrons and are equiva-
lent to positive carriers). The typé of semiconductor typically used is silicon {com-
monly called sand). This material has a valence of four, implying that each atom has
four free electrons to share with neighboring atoms when forming the covalent bonds of
the crystal lattice. Inrrinsic silicon (i.e., undoped silicon) is a very pure crystal structure
having equal numbers of free electrons and holes. These free carriers are those electrons
or holes that have gained enough energy due to thermal agitation to escape their bonds.
At room temperature, there are approximately 1.5 x 10" carriers of each type per cm’,
or equivalently 1.5 x 10" carriers/m’. The number of carriers approximately doubles
for every 11 °C increase in temperature.

1
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If one dopes silicon with a pentavalent impurity (i.e., atoms of an element having
a valence of five, or equivalently five electrons in the outer shell, available when
bonding with neighboring atoms), there will be almost one extra free electron for
every impurity atom.’ These free electrons can be used to conduct current. A pentava-
lent impurity is said to donate free electrons to the silicon crystal, and thus the impu-
rity is known as a donor. Examples of donor elements are phosphorus, P, and arsenic,
As. These impurities are also called n-type dopants since the free carriers resulting
from their use have negative charge. When an n-type impurity is used, the total num-
ber of negative carriers or electrons is almost the same as the doping concentration,
and is much greater than the number of free electrons in intrinsic silicon. In other
words,

n, = Np (1.1)

where n,, denotes the free-electron concentration in N-type material and Np is the
doping concentration (with the subscript D denoting donor). On the other hand, the
number of free holes in n-doped material will be much less than the number of holes
in intrinsic silicon and can be shown [Sze, 1981] to be given by

e}

n;

= - 1.2
N (1.2)

Pn

Here, n; is the carrier concentration in intrinsic silicon.

Similarly, if one dopes silicon with atoms having a valence of three, for example,
boron (B), the concentration of positive carriers or holes will be approximately equal
to the acceptor concentration, N, ,

Py = Ny (1.3)

and the number of negative carriers in the p-type silicon, Ny, 1s given by
2

n‘ (1.4)
n, = — .
p
Na
EXAMPLE 1.1
Intrinsic silicon is doped with boron at a concentration of 10% atoms/m®. At
room temperature, what are the concentrations of holes and electrons in the
resulting doped silicon? Assume that n, = 1.5 x 10" carriers/m’ .
Solution

The hole concentration, P, » Will approximately equal the doping concentration ( Pp=
Ny = 10%® holes/m* ). The electron concentration is found from (1.4) to be

1. In fact, there will be slightly fewer mobile carriers than the number of impurity atoms since some of the
free electrons from rhe dopants have recombined with holes. However, since the number of holes of intrin-
sic silicon is much less than typical doping concentrations, this inaccuracy is smalil.
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Electric
field
~ i+ 4+
|+ ++
o* ——|+++| n
/’f_ RSN
S t+ 4 \\ Fig. 1.2 A simplified model of o diode.
Immobile — Immobile  Note thata deplefion region exists at the
negative Depietion positve  junction due to diffusion and extends for-
charge region charge ther into the more lightly doped side.

charge on the two sides of the junction must be equal for charge neutrality. This
requirement causes the depletion region to extend farther into the more lightly doped
n side than into the p* side.

As these bound charges are exposed, an electric field develops going from the n
side to the p side. This electric field is often called the built-in potential of the junc-
tion. It opposes the diffusion of free carriers until there is no net movement of charge
under open-circuit and steady-state conditions. The built-in voltage of an open-circuit
pn junction is given by Sze {1981] as

N,N35
@, = VTm[ A D} (1.6)
n;
where
Vyp = kT (1.7)
q

with T being the temperature in degrees Kelvin (= 300 °K at room temperature), K
being Boltzmann’s constant (1.38 x 10 ” JK'), and q being the charge of an elec-
tron (1.602 x 10" C). At room temperature, V1 is approximately 26 mV.

EXAMPLE 1.2
A pn junction has N = 10* holes/m’ and Ny, = 10* electrons/m’ ., What is
the built-int junction potential? Assume that n; = 1.5 X 10" carriers/m’ .
Solution
Using (1.6), we obtain
1025 1022
®, = 0.026 x ln[ =088V (1.8)
(1.5%10'%)
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This is a typical value for the built-in potential of a junction with one side
heavily doped. As an approximation, we will normally use ®, = 0.9 V for the
built-in potential of a junction having one side heavily doped.

Reverse-Biased Diodes

A silicon diode having an anode-to-cathode (i.e., p side to n side) voltage of 0.4 V
or less will not be conducting appreciable current. In this case, it is said to be
reverse biased. If a diode is reverse biased, current flow is primarily due to ther-
mally generated carriers in the depletion region, and it is extremely small. Although
this reverse-biased current is only weakly dependent on the applied voltage, the
reverse-biased current is directly proportional to the area of the diode junction.
However, an effect that should not be ignored, particularly at high frequencies, is
the junction capacitance of a diode. In reverse-biased diodes, this junction capaci-
tance is due to varying charge storage in the depletion regions and is modelled as a
depletion capacitance.

To determine the depletion capacitance, we first state the relationship between the
depletion widths and the applied reverse voltage, Vg [Sze, 1981].

172

(2K g0( Dy + V) Na

X, = (1.9)
L q Np(Na+Np) |
(2K e,(Dp + V N 7'
| X, = s€o(Pp + Vg) D (1.10)
? | q NA(Na+Np) |

-12

Here, g, is the permittivity of free space (equal to 8.854 x 107 F/m), Vg is the
reverse-bias voltage of the diode, and K, is the relative permittivity of silicon (equal
to 11.8). It should be noted that these equations assume that the doping changes
abruptly from the n to the p side.

From the above equations, we see that if one side of the junction is more heavily
doped than the other, the depletion region will extend mosily on the lightly doped
side. For example, if N, >> Ny (i.e., if the p region is more heavily doped), we can
approximate (1.9) and (1.10) as

X = 2Ks£0(¢0+vﬁ):[l/2 = |:2KSEO((DO+VH)ND 2 a.1n
" aNp P qu

Indeed, for this case
Na
Np

(1.12)

xn
Xp

This special case is called a single-sided diode.
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EXAMPLE 1.3

For a pn junction having N, = 10” holes/m’ and Np = 10% electrons/m”,
what are the depletion-layer depths for a 5-V reverse-bias voltage?

Solution

Since N >> Ny and we already have found in Example 1.2 that @, = 0.9V,
we can use (1.11) to find

_12 1/2
. = [2x11.8x8.851x 1022 X 5.9 _ 088 um (L.13)
1.6x10 7" x10
Xn 0.88 (1.14)
= ——— = U, nm B
P (Na/Np)

Note that the depletion width in the lightly doped n region is 1,000 times greater
than that in the more heavily doped p region.

The charge stored in the depletion region, per unit cross-sectional area, is found
by multiplying the depletion-region width by the concentration of the immobile
charge (which is approximately equal to q times the impurity doping density). For
example, on the n side, we find the charge in the depletion region to be given by mul-
tiplving (1.9) by qNp, resulting in

+ NAND 172
Q' = 2qKseo(¢0+vH)NA+ND (1.15)

This amount of charge must also equal Q™ on the p side since there is charge equality.
In the case of a single-sided diode when N, >> Np, we have
Q = Q" = {2qK,ey(P, + Vg)Np]

172 (1.16)
Note that this result is independent of the impurity concentration on the heavily doped
side. Thus, we see from the above relation that the charge stored in the depletion
region is dependent on the applied reverse-bias voltage. It is this charge-voltage rela-
tionship that is modelled by a nonlinear depletion capacitance.

For small changes in the reverse-biased junction voltage, about a bias voltage, we
can find an equivalent small-signal capacitance, C;, by differentiating (1.15) with
respect to V. Such a differentiation results in

dQ" [ qKseo  NaNp }1/2 G
D

2(@,+ VgINs+ N Vi
1+ —

C] =
dVg

(1.17)

I
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where Cy, is the depletion capacitance per unit area at Vg = O and is given by

K.g, NsN
Cy = {qzqs) °N A D (1.18)
o Na+Np

In the case of a one-sided diode with N >> Np, we have

KegoNp 177 of
C = _Q,LD = 10 (1.19)
2(® + Vp) Ve
L
@,

where now

K.e,N
Cp = /q—;;)"uﬁ (1.20)
0

It should be noted that many of the junctions encountered in integrated circuits
are one-sided junctions with the lightly doped side being the substrate or sometimes
what is called the well. The more heavily doped side is often used to form a contact to
interconnecting metal. From (1.20), we see that, for these one-sided junctions, the
depletion capacitance is approximately independent of the doping concentration on
the heavily doped side, and is proportional to the square root of the doping concentra-
tion of the more lightly doped side. Thus, smatler depletion capacitances are obtained
for more lightly doped substrates—a strong incentive to strive for lightly doped sub-
strates. b

Finally, note that by combining (1.15) and {1.18), we can express the equation for
the immobile charge on either side of a reverse-biased junction as

Vg
Q = 2C®@, 1+ — (1.21)
(I)O

As seen in Example 1.6, this equation is useful when one is approximating the large-
signal charging (or discharging) time for a reverse-biased diode.

EXAMPLE 1.4

For a pn junction having N, = 10” holes/m® and Np = 10% electrons/m’
what is the total zero-bias depletion capacitance for a diode of area 10 pm x
10 um ? What is its depletion capacitance for a 3-V reverse-bias voltage?

Solution
Making use of (1.20), we have

= 304.7 pF/m’ (1.22)

o - J1.6 x 10" % 11.8 x 8.854 x 1072 x 107
o=

2x09
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Since the diode areais 100 x 107" m?, the total zero-bias depletion capacitance is

Crpo = 100x 1077 x304.7% 10 = 305 fF (1.23)
At a 3-V reverse-bias voltage, we have from (1.19) 4
.5 fF
Cr = —E(E— = 147 fF (1.24)

As expected, we see a decrease in junction capacitance as the width of the deple-
tion region is increased.

Graded Junctions

All of the above equations assumed an abrupt junction where the doping concentra-
tion changes quickly from p to n over a small distance. Although this is a good
approximation for many integrated circuits, it is not always true. For example, the
collector-to-base junction of a bipolar transistor is most commonly realized as a
graded junction. In the case of graded junctions, the exponent 1/2 in Eg. (1.15) is
inaccurate, and a better value to use is an exponent closer to unity, perhaps 0.6 to 0.7.
Thus, for graded junctions, (1.15) is typically written as

NAND I-m
Q = |2gKey(®y+ V“)m (1.25)

where m is a constant typically around 1/3.
Differentiating (1.25) to find the depletion capacitance, we have

NN 1-m .
C = (1—m)[2qKS£0 A } - (1.26)
Na+Np|  (dy+Vp)
This depletion capacitance can also be written as
C.
Ci= ——— (1.27)
Vigym
(1+3)
@,
where
NANp b-m
C,=(1-m)2qKeqe—— — 1.2
o = ( )\: q SEDNA+ND} P (1.28)

From (1.27), we see that a graded junction results in a depletion capacitance that
is less dependent on Vg than the equivalent capacitance in an abrupt junction. In other
words, since m is less than 0.5, the depletion capacitance for a graded junction is
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more linear than that for an abrupt junction. Correspondingly, increasing the reverse-
bias voltage for a graded junction is not as effective in reducing the depletion capaci-
tance as it is for an abrupt junction.

Finally, as in the case of an abrupt junction, the depletion charge on either side of
the junction can also be written as

1-m
Q—-fﬂl¢{1+YE} (1.29)
“1-m U P '
EXAMPLE 1.5
Repeat Example 1.4 for a graded junction with m = 0.4.
Solution
Noting once again that N, >> Np, we approximate (1.28} as
-m 1
Cio = (1-m)[2qKeNp]' ™" — (1.30)
@,
resulting in
Cjo = 81.5 uF/m’ (1.31)
which, when multiplied by the diode’s areaof 10 pm x 10 [, results in
CT-]O = 81fF (].32)
For a 3-V reverse-bias voltage, we have
cri= — 45w (133)

™ (143/09)

Large-Signal Junction Capacitance

The equations for the junction capacitance given above are only valid for small
changes in the reverse-bias voltage. This limitation is due to the fact that C; depends on
the size of the reverse-bias voltage instead of being a constant. As a result, it is
extremely difficult and time consuming to accurately take this nonlinear capacitance
into account when calculating the time to charge or discharge a junction over a large
voltage change. A commonly used approximation when analyzing the transient
response for large voltage changes is to use an average size for the junction capacitance
by calculating the junction capacitance at the two extremes of the reverse-bias voltage.
Unfortunately, a problem with this approach is that when the diode is forward biased
with Vg = -®,, Eq. (1.17) “blows up” (i.e., is equal to infinity). To circumvent this
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problem, one can instead calculate the charge stored in the junction for the two extreme
values of applied voltage (through the use of (1.21)), and then through the use of
Q = CV, calculate the average capacitance according to
_Qvy)-Qvy)

Ca = 1.34
j-av V2—V1 ( )

where V, and V, are the two voltage extremes [Hodges, 1988].
From (1.21), for an abrupt junction with reverse-bias voltage V,, we have

V.
Q(V) = 2C;,@, /1 +— (1.35)
@,
v v
{J[ +—— Jl + -i]
(DO CD(}

C.a = 2C,, D, (1.36)
J=av } V2 _ V1
One special case often encountered is charging a junction from 0V to 5 V. For this

special case, and using @, = (0.9 V, we find that

Thus, as a rough approximation to quickly estimate the charging time of a junction
capacitance from 0 V to 5 V (or vice versa), one can use

Therefore,

Cp
Ciav = —2’- (1.38)
It will be seen in the foliowing example that (1.37} compares well with a SPICE sim-
ulation,
EXAMPLE 1.6

For the circuit shown in Fig. 1.3, where a reverse-biased diode is being charged
from O V to 5V, through a 10-kQQ resistor, calculate the time required to charge
the diode from 0 V to 3.5 V. Assume that C,—O = 0.2 fF/(|.1m)2 and that the
diode has an area of 20 um x5 um. Compare your answer to that obtained
using SPICE. Repeat the question for the case of the diode being discharged
from5Vtol15V,

Solution

The total small-signal capacitance of the junction at 0-V bias voltage is obtained
by multiplying 0.2 fF/( um)2 by the junction area to obtain

Cio = 02x107°x20x5 = 0.02 pF (1.39)
Using (1.37), we have
Ciav = 0.56x0.02 = 0.011 pF (1.40)




1.1  Semiconductors and pn Junctions 11

R =10 kQ
v Vin o—-~AN, + o Vou
20 um X5 um
v 2
t=0 = C}0 = 0.2 fF/(um)
(a)
R =10kQ

Vv

o Vou

in o % l
I Ceq = 0.012 pF

(b)

Fig. 1.3 {a) The circuit used in Example 1.6; (b} its RC approximate
eguivalent.

resulting in a time constant of
© = RCj,, = 0.11 ns (1.41)

It is not difficult to show that the time it takes for a first-order circuit to rise {or
fally 70 percent of its final value is equal to 1.27. Thus, in this case,

the = 1.27 = 0.13 ns (1.42)

As a check, the circuit of Fig. 1.3(a) was analyzed using SPICE. The input
data file was as follows:

R1210k
D 02 DMOD

*

VIN10dc 2.5 PULSE (050 10p 10p 0.4%n 1.0n)

*

.MODEL DMOD D(CJO=0.02E-12)
*

.OPTIONS NUMDGT=5 ITL1=500
WIDTH OUT=80

.TRAN 0.01n 1.0n

PRINT TRAN V(2)

.END

The SPICE simulation gave a 0-V to 3.5-V rise time of 0.14 ns and a 3-V to
1.5-V fall time of 0.12 ns. These times compare favorably with the 0.13 ns pre-
dicted. The reason for the different values of the rise and fall times is the nonlin-
earity of the junction capacitance. For smaller bias voltages it is larger than that
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predicted by (1.37), whereas for larger bias voltages it is smaller. If we use the
more accurate approximation of (1.36) for the rise time with V, = 3.5 and
V, =0V, we find

Ciav = 2x0.02X 2—2( 1+ (3)—:3— l} = 0.012 pF (1.43)
Also, for the fall time, we find that
Cray = 2%0.02 % 1‘0'?5[4/1 + %% - J1 + ..f_g] = 0.010 pF (1.44)
These more accurate approximations result in
tine = 0.144 ns (1.45)
and
te = G.114 ns (1.46)

in closer agreement with SPICE. Normally, the extra accuracy that results from
using (1.36) instead of (1.37) is not worth the extra complication because one
seldom knows the area of Cy; to better than 20 percent accuracy.

Forward-Biased Junctions -

A positive voltage applied from the p side to the n side of a diode reduces the electric
field opposing the diffusion of the free carmlers across the depletion region. It also
reduces the width of the depletion region. If this forward-bias voltage is large enough,
the carriers will start to diffuse across the junction, resulting in a current flow from the
anode to the cathode. For silicon, appreciable diode current starts to occur for a forward-
bias voltage around 0.5 V. For germanium and gallium arsenide semiconductor mate-
rials, current conduction starts to occur around 0.3 V and 0.9 V, respectively.

When the junction potential is sufficiently lowered for conduction to occur, the
carriers diffuse across the junction due to the large gradient in the mobile carrier con-
centrations. Note that there are more carriers diffusing from the heavily doped side to
the lightly doped side than from the lightly doped side to the heavily doped side.

After the carriers cross the depletion region, they greatly increase the minority
charge at the edge of the depletion region. These minority carriers will diffuse away
from the junction toward the bulk. As they diffuse, they recombine with the majority
carriers, thereby decreasing their concentration. This concentration gradient of the
minority charge (which decreases the farther one gets from the junction) is responsi-
ble for the eurrent flow near the junction.

The majority carriers that recombine with the diffusing minority carriers come
from the metal contacts at the junctions because of the forward-bias voltage. These
majority carriers flow across the bulk, from the contacts to the junction, due to an
electric field applied across the bulk. This current flow is called drift. It results in
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| small potential drops across the bulk, especially in the lightly doped side. Typical val-
ues of this voltage drop might be 50 mV to 0.1 V, depending primarily on the doping
concentration of the lightly doped side, the distance from the contacts to the junction,
and the cross-sectional area of the junction.

In the forward-bias region, the current-voltage relationship is exponential and can
be shown (see Appendix) to be

Ip = g™ (1.47)
where Vp is the voltage applied across the diode and
1 1
[goc Ap| — + — 1.48
s D(NA NDJ (1.48)

I is known as the scale current and is seen to be proportional to the area of the diode
junction, Ap, and inversely proportional to the doping concentrations.
J D ¥ prop ping

Junction Capacitance of Forward-Biased Diode

When a junction changes from reverse biased {with little current through it) to for-
ward biased (with significant current flow across it), the charge being stored near and
across the junction changes. Part of the change in charge is due to the change in the
width of the depletion region and therefore the amount of immobile charge stored in
it. This change in charge is modelled by the depletion capacitance, Ci’ similar to when
the junction is reverse biased. An additional change in charge storage is necessary to
account for the change of the minority carrier concentration close to the junction
required for the diffusion current to exist. For example, if a forward-biased diode cur-
rent is to double, then the slopes of the minority charge storage at the diode junction
edges must double, and this, in turn, implies that the minority charge storage must
double. This component is modelled by another capacitance, called the diffusion
capacitance, and denoted Cy.
The diffusion capacitance can be shown (see Appendix) to be

Cd = TT— (|.49)

where Ty is the transit time of the diode. Normally T; is specified for a given technol-
ogy, so that one can calculate the diffusion capacitance. Nofe that the diffusion capac-
itance of a forward-biased junction is proportional to the diode current.

The total capacitance of the forward-biased junction is the sum of the diffusion
capacitance, Cy, and the depletion capacitance, Cj. Thus, the total junction capaci-
tance is given by

CT = Cd+C] (1-50)

For a forward-biased junction, the depletion capacitance, Cj;, can be roughly approxi-
mated by 2C;,. The accuracy of this approximation is not critical since the diffusion
capacitance is typically much larger than the depletion capacitance,
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Finally, it should be mentioned that as a diode is turned off for a short period of
time a current will flow in the negative direction until the minority charge is removed.
This behavior does not occur in Schottky diodes since they do not have minority
charge storage.

Small-Signal Model of a Forward-Biased Diode

A small-signal equivalent model for a forward-biased diode is shown in Fig. 1.4. A
resistor, ry, models the change in the diode voltage, Vp, that occurs when I changes.
Using (1.47), we have

dl VoVt g
1. %o 8 2 (1.51)

This resistance is called the incremental resistance of the diode. For very accurate
modelling, it is sometimes necessary to add the series resistance due to the bulk and
also the resistance associated with the contacts. Typical values for the contact resis-
tance (caused by the work-function® difference between metal and silicon) might be
20 Qto 40 Q.

By combining (1.49) and (1.51), we see that an alternative equation for the diffu-
sion capacitance, Cy, is

Ty
Cy=— (1.52)
rg =
Since for moderate forward-bias currents, Cy>> C;, the total small-signal capaci-
tance is Gy = Cy, and

r,Cr = T (1.53)

Thus, for charging or discharging a forward-biased junction with a current source
having an impedance much larger than r, the time constant of the charging is approx-
imately equal to the transit time of the diode and is independent of the diode current.
For smaller diode currents, where G, becomes important, the charging or discharging
time constant of the circuit becomes larger than 7.

Fig. 1.4 The smallsignal model
for a forward-biased junction.

2. The work-function of a material is defined as the minimum energy required to remove an electron at the
Fermi level to the outside vacuum region.
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biased is smaller. This voltage drop is dependent on the metal used; for aluminum it
might be around 0.5 V. More importantly, when the diode is forward biased, there is
no minority-charge storage in the lightly doped n~ region. Thus, the small-signal
model of a forward-biased Schottky diode has C4 = 0 (with reference to Fig. 1.4).
The absence of this diffusion capacitance makes the diode much faster. It is particu-
larly faster when turning off, because it is not necessary to remove the minority charge
first. Rather, it is only necessary to discharge the depletion capacitance through about
02V,

Schottky diodes have been used extensively in bipolar logic circuits. They are
also used in a number of high-speed analog circuits, particularly those realized in gal-
lium arsenide (GaAs) technologies, rather than silicon technologies.

1.2 MOS TRANSISTORS

Presently, the most popular technology for realizing microcircuits makes use of MOS
transistors. Unlike most bipolar junction transistor (BJT) technologies, which make
dominant use of only one type of transistor (npn transistors in the case of BJT pro-
cesses?), MOS circuits normally use two complementary types of transistors—n-
channel and p-channel. While n-channel devices conduct with a positive gate voltage,
p-channel devices conduct with a negative gate voltage. Moreover, electrons are used
to conduct current in N-channel transistors, while holes are used in p-channel transis-
tors. Microcircuits containing both n-channel and p-channel transistors are called
CMOS circuits, for complementary MOS. The acgonym MOS stands for metal-oxide
semiconductor, which historically denoted the gate, insulator, and channel region
materials, respectively. However, most present CMOS technologies utilize polysili-
con gates rather than metal gates.

Betore CMOS technology became widely available, most MOS processes made
use of only n-channel transistors (NMOS). However, often two different types of n-
channel transistors could be realized. One type, enhancement n-channel transistors, is
similar to the n-channel transistors realized in CMOS technologies. Enhancement
transistors require a positive gate-to-source voltage to conduct current. The other
type, depletion transistors, conduct current with a gate-source voltage of 0 V. Deple-
tion transistors were used to create high-impedance loads in NMOS logic gates.

A typical cross section of an n-channel enhancement-type MOS transistor is
shown in Fig. 1.6. With no voltage applied to the gate, the n” source and drain regions
are separated by the p~ substrate. The separation between the drain and the source is
called the channel length, L. In present MOS technologies, the minimum channel
length is typically between 0.3 um and 1.0 um. It should be noted that there is no
physical difference between the drain and the source. The source terminal of an

3. Most BJT technologies can also realize low-speed lateral pnp transistors. Normally these would only be
used to realize current sources as they have low gains and poor frequency responses. Recently, bipolar
technologies utilizing high-speed vertical pnp transistors, as well as high-speed npn transistors, have
become available and are growing in popularity, These technologies are called complementary bipolar
technologies.

4. Large MOS transistors used for power applications might not be realized with symmetric drain and
source junctions.







18  Chapter 1 * Integrated-Circuit Devices and Modelling

(@) (b) (c) (a) (e)

fig. 1.7 Commonly used symbols for n-channel transistors.

whether the transistor is N-channel or p-channel. A common rule is to assume, when
in doubt, that the transistor 18 an n-channel enhancement transistor. Figure 1.7(b) 1s
the most commonly used symbo! for an n-channel enhancement transistor and is used
throughout this text. The arrow pointing outward on the source indicates that the tran-
sistor is N-channel, similar to the convention used for npn transistors, and indicates
the direction of hole current.

MOS transistors are actually four-terminal devices, with the substrate being the
fourth terminal. In n-channel devices, the p~ substrate is normally connected to the
most negative voltage in the microcircuit, whereas for p-channel devices, the n” sub-
strate is normally connected to the most positive voltage. In these cases the substrate
connection is normally not shown in the symbol. However, for CMOS technologies, at
least one of the two types of transistors will be formed in a well substraie that need not
be connected to one of the power supply nodes. For example, an n-well process would
form n-channel transistors in a P~ substrate encompassing the entire microcircuit,
while the p-channel transistors would be formed in many n-well substrates. In this
case, most of the n-well substrates would be cosnected to the most positive power sup-
ply, while some might be connected to other nodes in the circuit (often the well is con-
nected to the source of a transistor that is not connected to the power supply). In these
cases, the symbol shown in Fig. 1.7(c) can be used to show the substrate connection
explicitly. It should be noted that this case is not encountered often in digital circuits
and is more common in analog circuiis. Sometimes, in the interest of simplicity, the
isolation of the gate is not explicitly shown, as is the case of the symbol of Fig. 1.7(d).
This simple notation is more Common for digital circuits in which a large number of
transistors are present. Since this symbol is also used for J FET transistors, it will never
be used to represent MOS transistors in this text. The last symbol, shown in Fig. 1.7(e),
denotes an N-channel depletion transistor. The extra line is used to indicate that a phys-
ical channel exists for a 0-V gate-source voltage. Depletion transistors were used in
older NMOS technologies but are not typically available in CMOS processes.

; Figure 1.8 shows some commonly used symbols for p-channel transistors. In this
: text, the symbol of Fig. 1.8(a) will be most often used. The symbol in Fig. 1.8(¢c) is

4 o —  x
(@) (b) (c) (@) (o)

Fig. 1.8 Commonly used symbols for pchannel transistors.
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resulting in what is called an accumulated channel. The n* source and drain regions
are separated from the p*-channel region by depletion regions, resulting in the equiva-
lent circuit of two back-to-back diodes. Thus, only leakage current will flow even if
one of the source or drain voltages becomes large (unless the drain voltage becomes
so large as to cause the transistor to break down).

In the case of a positive voltage being applied to the gate, the opposite situation
occurs, as shown in Fig. 1.9(b). For small positive gate voltages, the positive carriers
in the channel under the gate are initially repulsed and the channel changes fromap
doping level to a depletion region. As a more positive gate voltage is applied, the gate
attracts negative charge from the source and drain regions, and the channel becomes
an N region with mobile electrons connecting the drain and source regions.’ In short, a
sufficiently large positive gate-source voltage changes the channel beneath the gate to
an n region, and the channel is said to be inverred.

The gate-source voltage, for which the concentration of electrons under the gate
is equal to the concentration of holes in the p~ substrate far from the gate, is com-
monly referred to as the transistor threshold voltage and denoted V,, (for n-channel
transistors). For gate-source voltages larger than Vi, there is an N-type channel
present, and conduction between the drain and the source can occur. For gate-source
voltages less than Vi, it is normally assumed that the transistor is off and no current
flows between the drain and the source. However, it should be noted that this assump-
tion of zero drain-source current for a transistor that is off is only an approximation. In
fact, for gate voltages around Vy,, there is no abrupt current change, and for gate-
source voltages slightly less than Vy,, small amounts of subthreshold current can
flow, as discussed in Section 1.3, -

When the gate-source voltage, Vgg , is larger than V,,, the channel is present. As
Vs is increased, the density of electrons in the channel increases. Indeed, the carrier
density, and therefore the charge density, is proportional to Vs — Vi, Which is often
called the effective gate-source voltage and denoted Vg . Specifically, define

Veir = Vas— Via (1.54)
The charge density of electrons is then given by
Q, = CouVas = Vin) = CoxVerr (1.55)
Here, C,, is the gate capacitance per unit area and is given by
C,, = Norto (1.56)
tox

where K,, is the relative permittivity of SiO, (approximately 3.9) and t,, is the
thickness of the thin oxide under the gate. A point to note here is that (1.55) is only
accurate when both the drain and the source voltages are zero.

5. The drain and source regions are sometimes called diffusion regions or junctions for historical rcasons.
This use of the word junction is not synonymous with cur previous use, in which it designated a pn inter-
face of a diode.
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where it should be emphasized that this relationship is only valid for drain-source
voltages near zero (i.c., Vpg much smaller than V).

As the drain-source voltage increases, the channel charge concentration decreases
at the drain end. This decrease is due to the smaller gate-to-channel voltage difference
across the thin gate oxide as one moves closer to the drain. In 6ther words, since the
drain voltage is assumed to be at a higher voltage than the source, there is an increasing
voltage gradient from the source to the drain, resulting in a smaller gate-to-channel
voltage near the drain. Since the charge density at a distance X from the source end of
the channel is proportional to Vg -V . (X) -V, as Vg -V, (X) decreases, the
charge density also decreases.’ This effect is illustrated in Fig. 1.11.

Note that at the drain end of the channel, we have

Vg - Ven(L) = Vgp (1.61)

For small Vg, we saw from (1.60) that I, was linearly related to Vpg. However, as
Vpg increases, and the charge density decreases near the drain, the relationship
becomes nonlinear. In fact, the linear relationship for I versus Vg flattens for larger
Vpg, as shown in Fig. 1.12.

Vg >V,

Vg =0

Vv
Depletion region N 0>0

n* //
Increasing x Q. (L) = Cox(Van— Vin)
Qn(x) = Cox(VGS_Vch(x)*Vm)

Qn(O) = Cox(VGS - th)

Fig. 1.11 The channel charge density for Vg > 0.

w
ID A ID < unCoxr(VGS - th)VDS

Vs Fig. 1.12 For Vg not close to zero, the

I, = unc;oxv_v(\,f% ~V,)Vos Ip versus Vpg relationship is no longer
L linear.

7. Vg — Vou(X) is the gate-to-channel voltage drop at distance X from the source end, with V5 being the
same everywhere in the gate, since the gate material is highly conductive.
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As the drain voltage is increased, at some point the gate-to-channel voltage at the
drain end will decrease to the threshold value V,, — the minimum gate-to-channel
voltage needed for n carriers in the channel to exist. Thus, at the drain end, the chan-
nel becomes pinched off, as shown in Fig. 1.13. This pinch-off occurs at Vgp = Vi,
since the channe! voltage at the drain end is simply equal to Vp. Thus, pinch-off
occurs for

Vos > Vi (1.62)

Denoting Vpg < s the drain-source voltage when the channel becomes pinched off,
we can substitute Vpg = Vpg— Vgs into (1.62) and find an equivalent pinch-off
expression

VDS > VDS-sa1 (1.63)
where Vpg.gq is given® by
Vossat = Vas— Vin = Ven (1.64)

The electron carriers travelling through the pinched-off drain region are velocity
saturated, similar to a gas under pressure travelling through a very small tube. If the
drain-gate voltage rises above this critical pinch-off voltage of -V, the charge con-
centration in the channel remains constant (to a first-order approximation) and the
drain current no longer increases with increasing Vpg. The result is the current-
voltage relationship shown in Fig. 1.14 for a given gate-source voltage. In the region
of operation where Vg > Vpg.ear» the drain current is independent of Vpg and is
called the active region.” The region where I changes with Vg is called the triode
region. When MOS transistors are used in analog amplifiers, they almost always are
biased in the active region. When they are used in digital logic gates, they often oper-
ate in both regions.

Vg > Vi,

Vo =0
S Y Vog > -Vin

Depletion region I

7

Pinch-off for
VGD < Vln

Fig. 1.13  When Vg is increased so that Vgp < Vy,, the channel becomes pinched off at the drain end.

8. Because of the body effect, the threshold voltage at the drain end of the transistor is increased, resulting
in the true value of Vg ., being slightly lower than V.

9_ Historically, the active region was called the saturation region, but this led to cenfusion because in the
case of bipolar transistors, the saturation region occurs for small Vg , whereas for MOS transistors it
occurs for large Vgg. The renaming of the saturation region to the active region is becoming widely
accepted.
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w v 1w, C,. W
ID = p'nCnx_[ Ds:’ I . UXT(VGS_Vln)Z

—

P

Vgg constant

Actg’ve
Triode l region
region
f ' » Vbs
VDS-sm = Veff

W
Ip = uncoxr(ves - Vin)Vpg

Fig. 1.14 The Ip versus Vpg curve for an ideal MOS transistor. For
Vs > Vpgar - Ip is approximately constant.

Before proceeding, it is worth discussing the terms weak, moderate, and strong
inversion. As just discussed, a gate-source voltage greater than Vi, results in an
inverted channel, and drain-source current can flow. However, as the gate-source
voltage is increased, the channel does not become inverted (i.e., n-region) suddenly,
but rather gradually. Thus, it is useful to define three regions of channel inversion
with respect to the gate-source voltage. In most circuit applications, noncutoff MOS-
FET transistors are operated in strong inversion, with V> 100 mV {many prudent
circuit designers use a minimum value of 200 mV). As the name suggests, strong
inversion occurs when the channel is strongly inverted. It should be noted that ali the
equation models in this section assume strong inversion operation. Weak inversion
occurs when Vg is approximately 100 mV or more below V,, and is discussed as
subthreshold operation in Section 1.3. Finally, moderate inversion is the region
between weak and strong inversion.

Large-Signal Modelling

The triode region equation for a MOS transistor relates the drain current to the gate-
source and drain-source voltages. It can be shown (see Appendix) that this relation-
ship is given by -

VDS} (1.65)

W
Ip = “ncox[r][:(vGS_vtn)vDS—T

As Vg increases, I increases until the drain end of the channel becomes pinched off,
and then I no longer increases. This pinch-off occurs for Vpg = -V, or approxi-
mately,

Vbg = Vgg -V, = Vg (1.66)

Right at the edge of pinch-off, the drain current resulting from (1.65) and the drain
current in the active region (which, to a first-order approximation, is constant with
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respect to Vpg) must have the same value. Therefore, the active region equation can
be found by substituting (1.66) into (1.65), resulting in

BnCox(W
Iy = : ° [I}VGS_V“,)2 (1.67)

For Vpg> Vg, the current stays constant at the value given by (1.67), ignoring
second-order effects such as the finite output impedance of the transistor. This equation
is perhaps the most important one that describes the large-signal operation of a MOS
transistor. It should be noted here that (1.67) represents a squared current-voltage
relationship for a MOS transistor in the active region. In the case of a BJT transistor, an
exponential current-voltage relationship exists in the active region.

As just mentioned, (1.67) implies that the drain current, I, is independent of the
drain-source voltage. This independence is only true to a first-order approximation.
The major source of error is due to the channel length shrinking as Vpg increases. To
see this effect, consider Fig. 1.15, which shows a cross section of a transistor in the
active region. A pinched-off region with very little charge exists between the drain and
the channel. The voltage at the end of the channel closest to the drain is fixed at
Vgs— Vin = Ver - The voltage difference between the drain and the near end of the
channel lies across a short depletion region often called the pinch-off region. As Vpg
becomes larger than V., this depletion region surrounding the drain junction
increases its width in a square-root relationship with respect to Vpg. This increase in
the width of the depletion region surrounding the drain junction decreases the effective
channel length. In turn, this decrease in effective channel length increases the drain
current, resulting in what is commonly referred to as channel-length modulation.

To derive an equation to account for channel-length modulation, we first make
use of (1.11) and denote the width of the depletion region by X4, resulting in

Xg = Kgsa/Vpon + o
= kdsa}'GDG"'th + @,

K
Kge = |2 (1.69)
gNa

{1.68)

where

Vas >V

Depletion region AL Npg-Ver+®y  Pinch-off region

Fig. 1.15 Channel length shortening for Vpg > Vg .
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and has units of m/y/V. Note that N, is used here since the N-type drain region is
more heavily doped than the p-type channel (i.e., Ny >> N,). By writing a Taylor
approximation for Iy around its operating value of Vpg = Vgg— Vi, = Ve, we
find I to be given by

al Kge(Vps -V
Ip = Ipgu + | —2 oL JAVDS = ID_%{1 as(Vos  Verr ] (1.70)

- +
L |3Vos 2L Nog + Vi + @,

where Ip gy is the drain current when Vg = V4, or equivalently, the drain current
when the channel-length modulation is ignored. Note that in deriving the final equa-
tion of (1.70), we have used the relationship dL/0Vpg = -0%4/9V s Usually,
(1.70) is written as

_ HnCox
2

D

W
[t}vas-vm)z[l + A(Vpg = Ver)] (1.71)

where A is the output impedance constant (in units of V') given by
kds kds

LNtV + @, 2L e Vo + @,

Equation (1.71) is accurate until Vg is large enough to cause second-order effects,
often called short-channel effects. For example, (1.71) assumes that current flow
down the channel is not velocity-saturated (i.e., increasing the electric field no longer
increases the carrier speed). Velocity saturation commonly occurs in new technolo-
gies that have very short channel lengths and therefore large electric fields. If Vpg
becomes large enough so short-channel effects occur, Iy increases more than is pre-
dicted by (1.71). Of course, for quite large values of Vg, the transistor will eventu-
ally break down.

A plot of I versus Vg for different values of Vg is shown in Fig. 1.16. Note
that in the active region, the small (but nonzero) slope indicates the small dependence
of Ipon Vpg.

A

(1.72)

I, 4 Vps = (Vas~ Vi)

Triode
region

Short-channel
" effects

Fig. 1.16 I versus Vg for different values of Vg,
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EXAMPLE 1.8
Find I f(j){ an n-channel transistor that has doping concentrations of Np = 107,
Ny =107, pu.C,=92 UA/V?, W/L = 20 um/2 pm, Veg = 1.2V,
Vin =08 V,and Vpg = V.. Assuming A remains constant, estimate the new
value of I if Vg is increased by 0.5 V.
Solution
From (1.69), we have
-12
k= sz 11.8x8.254x 1;) 362107 MV
Lex 107 x 10°
which is used in (1.72) to find A as
-9
p = —202x10 = 953%10° V'
2x2x10°% /09
Using (1.71), we find for Vpg = V4 = 04V,
92x107°}20
Ipy = |22 —)(0.4)2(1) = 73.6 HA
2 2

In the case where Vg = Vo + 0.5V = 09 V, we have

Igs = 73.6 UAX (1 +Ax03) = 77.1 pA
Note that this example shows almost a 5 percent increase in drain current for a
0.5 V increase in drain-source voltage.

Body Effect

The large-signal equations in the preceding section were based on the assumption
that the source voltage was the same as the substrate (i.e., bulk) voltage. However,
often the source and substrate can be at different voltage potentials. In these situa-
tions, a second-order effect exists_that 1s modelled as an increase in the threshold
voltage, V,,, as the source-to-substrate reverse-bias voltage increases. This effect,
typically called the body effect, is more important for transistors in a well of a CMOS
process where the substrate doping is higher. It should be noted that the body effect
is often important in analog circuit designs and should not be ignored without consid-
eration.

To account for the body effect, it can be shown (see Appendix at the end of this
chapter) that the threshold voltage of an n-channel transistor is now given by

Vin = Ving + Y(J/Vsp + 206 - JI206)) (1.73)

where V\,, is the threshold voltage with zero Vgg (i.e., source-to-substrate voltage),
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and

J2qN,K
¥ = %5_89 (1.74)
[0)4

The factor vy is often called the body-effect constant and has units of V. Notice that Y
is proportional to ,/N4,'° so the body effect is larger for transistors in a well where
typically the doping is higher than the substrate of the microcircuit.

p-Channel Transistors

All of the preceding equations have been presented for n-channel enhancement tran-
sistors. In the case of p-channel transistors, these equations can also be used if a
negative sign is placed in front of every voltage variable. Thus, Vgg becomes Vg,
Vpg becomes Vgp, V,, becomes -V, and so on. The condition required for con-
duction is now Vgg >V, where Vyj, is now a negative quantity for an enhancement
p-channel transistor.!’ The requirement on the source-drain voltage for a p-channel
transistor to be in the active region is Vgp, > Vgg + Vi, The equations for Ip, in both
regions, remain unchanged, because all voltage variables are squared, resulting in
positive hole current flow from the source to the drain in p-channel transistors. For
n-channel depletion transistors, the only difference is that V., < 0 V. A typical value
mightbe Vi = -2 V.,

Small-Signal Modelling in the Active Region

The most commonly used small-signal model for a MOS transistor operating in the
active region is shown in Fig. 1.17. We first consider the dc parameters in which all
the capacitors are ignored (i.e., replaced by open circuits). This leads to the low-
frequency, small-signal model shown in Fig. 1.18. The voltage-controlled current
SOUICE, QmVgs i the most important component of the model, with the transistor
transconductance gy, defined as

_ (1.75)
Om = Vas .
In the active region, we use (1.67), \x;hich is repeated here for convenience,
Cox/W
I, = ”"2 °*(I}ves-vm)2 (1.76)

10. For an n-channel transistor. For a p-channel transistor, ¥ is proportional to N,

11. It is possible to realize depletion p-channel transistors, but these are of little value and seldom worth the
extra processing involved. Depletion n-channel transistors are also seldom encountered in CMOS microcir-
cuits, although they might be worth the extra processing involved in some applications, especially if they
were in a well.
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Fig. 1.17 The small-signal model for @ MOS transistor in the active regian.

Fig. 1.18 The low-frequency, smallsignal model for an active
MOS transistor. -

and we apply the derivative shown in (1.75) to obtain

alp

W
\Y 1.77
IV eft (1.77)

oxt

w
9m = = “ncoxr(VGS“th) = HnC

or equivalently,

Om = "lncox‘v_L\‘r
where the effective gate-source voltage, V.4, is defined as Vo4 = Vgg— Vin-
Thus, we see that the transconductance of a MOS transistor is directly proportional
to Ve!f . -

Sometimes it is desirable to express g, in terms of Iy rather than Vgg. From
(1.76), we have

Vi (1.78)

Vv Y _ 2o (1.79)
= + -
5 T T N Cox(W/L)

The second term in (1.79) is the effective gate-source voltage, V., where

21
Ve = Vag—Vin = |—— o (1.80)
pnCox(W/L)
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Substituting (1.80) in (1.78) results in an alternate expression for g,,.

w
Om = 2unCcn(_

LID (1.81)

Thus, the transistor transconductance is proportional to J_D for a MOS transistor,
whereas it is proportional to I for a BJT.

A third expression for g,,, is found by rearranging {1.81) and then using (1.80) to
obtain

21,

= — 1.82
gm Veff ( )

Note that this expression is independent of pu,C,, and W/L, and it relates the
transconductance to the ratio of drain current to effective gate-source voltage. This
simple relationship can be quite useful during an initial circuit design.

The second voltage-controlled current-source in Fig. 1.18, shown as ggv,,
models the body effect on the small-signal drain current, iy. When the source is
connected to small-signal ground, or when its voltage does not change appreciably,
then this current source can be ignored. When the body effect cannot be ignored,

we have
al aly oV
ge= —2 =_2_ 1 (1.83)
From (1.76) we have -
al w
aV?n = _uncox[t}ves_vm) = —0m (1.84)
Using (1.73), which gives V, as
Vin = Vino + Y(J/Vep +[20¢} - /|20¢]) (1.85)
we have
av,, Y

(1.86)

Vse 2 Vsp + 120
The negative sign of (1.84) is eliminated by subtracting the current g.v, from the
major component of the drain current, g,Vys, as shown in Fig. 1.18. Thus, using
(1.84) and (1.86), we have

Qs = _Yg’.“_ (1.87)

2. Vgp + 204

Note that although g, is nonzero for Vgg = 0, if the source is connected to the bulk,
AVgg is zero, and so the effect of g, does not need to be taken into account. How-
ever, if the source happens to be biased at the same potential as the bulk but is not
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directly connected to it, then the effect of g, should be taken into account since
AVgg is not necessarily zero.

The resistor, Fys, shown in Fig. 1.18, accounts for the finite output impedance
(i.e., it models the channel-length modulation and its effect on the drain current due to
changes in Vg). Using (1.71), repeated here for convenience,

aCox (W
Ip = "20 (I)(VGS‘Vm)Z[l + A(Vps = V)] (1.88)
we have
1 aID unCoxIW 2
—_— = = =l —_ V —V =7LI -sat = XI 1.8
Fas 9us Vo ( > L)‘ as— Vin) D-sat 5 (1.89)

where the approximation assumes A is small, such that we can approximate the drain
bias current as being the same as Iy . Thus,

1

fgg = — 1.90
ds A.ID ( )
where
k
A = g (1.91)
2L Vps + (Vo) + @
and

K = 2Kqeq )
g = (1.92)
qN,

It should be noted here that (1.90) is often empirically adjusted to take into account
second-order effects.

EXAMPLE 1.9

Derive the low-frequency model parameters for an n-channel transistor that has
doping concentrations of N, = 10%, N A= 102, L,Coy = 92 pA/ Vi WIL =
20 um/2um, Vgg = 1.2V, V,, = 0.8 V, and Vpg = V.4 Assume 7 =
0.5 /V and Vgg = 0.5 V. What is the new value of rg, if the drain-source volt-
age is increased by 0.5 V?

Solution

Since these parameters are the same as in Example 1.8, we have

21
_ 2o _2XTIOUA o aee mAsY
Voo 04V

Om

and from {1.87), we have
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_ 05x0.368x 10°
2./05+18

Note that this source-bulk transconductance value is about 1/6 that of the gate-
source transconductance.
For ry,, we use (1.90) to find
1
Fas = ‘ - = 143 kQ
95.3x 10" x73.6 x 107

= 0.061 mA/V

5

At this point, it is interesting to calculate the gain g,rys = 52.6, which is the
largest voltage gain this single transistor can achieve for these operating bias
conditions. As we will see, this gain of 52.6 is much smaller than the corre-
sponding single-transistor gain in a bipolar transistor.

Recalling that V¢ = 0.4 V. if V55 is increased to 0.9 V. the new value for

ks
-9
joo —202x10 _ ge4xi07 v
202x10°%)./1.4
resulting in a new value of ry given by
Fds : : = 170 kQ

Ao 764x107 %721 pA

An alternate low-frequency model, known as a T model, is shown in Fig. 1.19.
This T mode! can often result in simpler equations and is most often used by experi-
enced designers for a quick analysis. At first glance, it might appear that this model
allows for nonzero gate current, but a quick check confirms that the drain current must
always equal the source current, and, therefore, the gate current must always be zero.
For this reason, when using the T model, one assumes from the beginning that the
gate current is zero.

Y

$ Mas

Fig. 1.19 The smallsignal, low-frequency T model fer
an active MOS transistor {the body effect is not mod-

) elled).
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where L, is the overlap distance and is usually empirically derived. Thus,

Cos = WCOXGL + Lov) (1.95)

when higher accuracy is needed.

The next largest capacitor in Fig. 1.20 is C’, the capacitor between the source
and the substrate. This capacitor is due to the depletion capacitance of the reverse-
biased source junction, and it includes the channel-to-bulk capacitance (assuming the
transistor is on). Its size is given by

C’sb = (As"'Ach)C;‘s (1.96)

where Ag is the area of the source junction, A, is the area of the channel (i.e., WL)
and st is the depletion capacitance of the source junction, given by

Cis = _ S0 (1.97)

Vsp
I+ —
@,

Note that the total area of the effective source includes the original area of the junc-
tion (when no channel is present) plus the effective area of the channel.

The depletion capacitance of the drain is smaller because it does not include the
channel area. Here, we have

C’db = Adcjd (1.98)

where

C.
Cy = —— (1.99)

Vpg
1+ —
(DO

and A is the area of the drain junction.

The capacitance ng, sometimes called the Miller-capacitor, is important when the
transistor is being used in circuits with large voltage gain. Cgq is primarily due to the
overlap between the gate and the drain and fringing capacitance. Its value is given by

Cqa = CoWL,, (1.100)

where, once again, L, is usually empirically derived.

Two other capacitors are often important in integrated circuits. These are the
source and drain sidewall capacitances, Cy,, and C,, . These capacitances can be
large because of some highly doped p~ regions under the thick field oxide called field
implants. The major reason these regions exist is to ensure there is no leakage current
between transistors. Because they are highly doped and they lie beside the highly
doped source and drain junctions, the sidewall capacitances can result in large addi-
tional capacitances that must be taken into account in determining Cg, and C,. The
sidewall capacitances are especially important in modern technologies as dimensions




1.2 MOS Traonsistors 35

shrink. For the source, the sidewall capacitance is given by
Cosw = PsCisw (1.101)

where Py is the length of the perimeter of the source junction, excluding the side
adjacent to the channel, and

C, |
Crow = —o— (1.102)

It should be noted that Gy ¢y, the sidewall capacitance per unit length at 0-V bias volt-
age, can be quite large because the field implants are heavily doped.
The situation is similar for the drain sidewall capacitance, Cy .

Coow = PdCi-sw (1.103)

where Py is the drain perimeter excluding the portion adjacent to the gate.
Finally, the source-bulk capacitance, C,, , is given by

Csb = C’sb + Cs-sw (1-104)
with the drain-bulk capacitance, Cyy, given by
Cdb = C’db + Cd-sw (1105)

EXAMPLE 1.11

An n-channel tran51stor is modelled as havmg the following capacitance parameters
C,=24x 107 pF/(pm) Cl sw = 2.0X% 0™ pF/um,C,, =19 x 10‘3pFl(um) \
Cgs ov = ng oy = 2.0x% 10 pF/um. Find the capacitances Cgs» Cgar Caps and Cgy,
for a transistor having W = 100 um and L = 2 um. Assume the source and drain
junctions extend 4 um beyond the gate, so that the source and drain areas are A,
Ay = 400 (um) and the perimeter of each is P, = Py = 108 um.

Solution
We calculate the various capacitances as follows:

2 .
Cgs = (EJWLCOX +CgS-OVxW = 027 pF
Cqs = Cggov xW = 0.02 pF
Csp = Ci(As+WL) +(C; 5w xPy) = 0.17 pF
Cdb = (C]xAd)+(CJ.5wXPd) = 0.12 pF

Note that the source-bulk and drain-bulk capacitances are significant compared
to the gate-source capacitance. Thus, for high-speed circuits, it is important to
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Keep the areas and perimeters of drain and source junctions as small as possible
(possibly by sharing junctions between transistors, as seen in the next chapter).

Small-Signal Modelling in the Triode and Cutoff Regions

The low-frequency, small-signal model of a MOS transistor in the triode region (which
is sometimes referred to as the linear region) is a resistor. Using (1.65), the large-signal
equation for I in the triode region,

W Vi
Ip = uncox(ﬂ{(%s—vmwos#%s} (1.106)
results in
| dl, W
g =22 _uc x(_)(v SV -V 1107
- Qds Voo HnCox| T Vs = Vin Ds) ( )

where Ty, is the small-signal drain-source resistance (and Q45 is the conductance).
For the common case of Vpg near zero, we have

1 w w
Jos = — = “ncox[_}VGS_th) = “noox[_ﬂ}lﬂi (1.108)
rds L L

which is similar to the I-versus-Vpg relationship given earlier in (1.60).

EXAMPLE 1.12

For the transistor of Example 1.9, find the triode model parameters when Vpg is
near zero.

Solution
From (1.108), we have

Oge = 92x 107 % @))x 0.4 = 0368 mA/V

Note that this conductance value is the same as the transconductance of the tran-
sistor, Q,,, in the active region. The resistance, rys, is simply 1/gq, resulting
in rgg = 2.72 k)

The accurate modelling of the high-frequency operation of "a transistor in the
triode region is nontrivial (even with the use of a computer simulation). A moder-
ately accurate model is shown in Fig. 1.21, where the gate-to-channel capacitance
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v
g
T Gate-to-channel capacitance

\ ’L Y
so—:L—-’\/\/\/\/\/\/\/\/—_roa
C J_ c

sbI L I db

Channel-to-substrate capacitance

Fig. 1.21 A distributed RC model for o transistor in the active
region.

and the channel-to-substrate capacitance are modelled as distributed elements. How-
ever, the I-V relationships of the distributed RC elements are highly nonlinear
because the junction capacitances of the source and drain are nonlinear depletion
capacitances, as is the channel-to-substrate capacitance. Also, if Vg is not small,
then the channel resistance per unit length shouid increase as one moves closer to
the drain. This model is much too complicated for use in hand analysis.

A simplified model often used for small Vpg is shown in Fig. 1.22, where the
resistance, Tye, 1S given by (1.108). Here, the gate-to-channel capacitance has been
evenly divided between the source and drain nodes,

AcnCox  WLC,
gs = Cgq = °“2 S > 2 (1.109)

Cc

Note that this equation ignores the gate-to-junction overlap capacitances, as given by
(1.94), which should be taken into account when accuracy is very important. The
channel-to-subsirate capacitance has also Been divided in half and shared between the
source and drain junctions. Each of these capacitors should be added to the junction-
to-substrate capacitance and the junction-sidewall capacitance at the appropriate

Fig. 1.22 A simplified tricde-region model
valid for small V4.
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node. Thus, we have

Cspbo = Cjo(As + %‘} CiswoPs (1.110)
and
Cavo = CjO(Ad + %)"’ Ci.swoPq (1.111)
Also,
Ce = S (1.112)
and
Cavo

= — (1.113)

Cu
Vsb
h + —
@,

It might be noted that Cgy, is often comparable in size to Cgg due to its larger area and
the sidewall capacitance.

When the transistor turns off, the model changes considerably. A reasconable
model is shown in Fig. 1.23. Perhaps the biggest difference is that rys is now infinite.
Another major difference is that Cyg and Cyg are now much smaller. Since the chan-
nel has disappeared, these capacitors are now due to only overlap and fringing capac-
itance. Thus, we have

Cgs = Coa = WL,,Cox (1.114)

However, the reduction of C g and Cy4 does not mean that the total gate capaci-
tance is necessarily smaller. We now have a “new” capacitor, Cgb, which is the gate-

Vo

L L.
Loe |

Vs o—¢ = ——0 Vy

1

9]
B
|
}

= Cu

Fig. 1.23 A smallsignal model for a MOS-
FET that is turned off.
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to-substrate capacitance. This capacitor is highly nonlinear and dependent on the gate
voltage. If the gate voltage has been very negative for some time and the gate is
accumulated, then we have

Cgo = AcnCox = WLC,, (1.115)

If the gate-to-source voltage is around 0 V, then C b 15 equal to Gy, in series with the
channel-to-bulk depletion capacitance and is con51derably smaller, especially when
the substrate is lightly doped. Another case where C gb 18 small is just after a transistor
has been turned off, before the channel has had time to accumulate. Because of the
complicated nature of correctly modelling Cj, when the transistor is turned off,
equation (1.113) is usually used for hand analysis as a worst-case estimate.

The capacitors Cg, and Cy, are also smaller when the channel is not present. We
now have

Cspo = ACyp (1.116)
and

CdbO = AdeO (1117)

1.3 ADVANCED MOS MODELLING

Inthis section, we look at three advanced modelling concepts that a microcircuit designer
is likely to encounter—short-channel effects, subthreshold operation, and leakage cur-
rents. -

Short-Channel Effects

A number of short-channel effects degrade the operation of MOS transistors as device
dimensions are scaled down. These effects include mobility degradation, reduced out-
put impedance, and hot-carrier effects (such as oxide trapping and substrate currents).
These short-channel effects will be briefly described here. For more detailed model-
ling of short-channel effects, see [Wolf, 1995].

Transistors that have short channel lengths and large electric fields experience a
degradation in the effective mobility of their carriers due to several factors. One of
these factors is the large lateral electric field (which has a vector in a direction perpen-
dicular from the gate into the silicon) caused by large gate voltages and short channel
lengths. This large lateral field causes the effective channel depth to change and also
causes more electron collisions, thereby lowering the effective mobility. Another fac-
tor causing this degradation is that, due to large electric fields, carrier velocity begins
to saturate. A first-order approximation that models this carrier-velocity saturation for
electrons is given hy

HoE

= — 1.118
Va 1+E/E, ( )

where E is the clectrlc field and E_ is the critical electrical field, which might be on
the order of 1.5x% 10° V/m. Usmg this equation in the derivation of the Ip-V
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elled by a finite drain-to-ground impedance. As a result, this effect is one of the major
limitations on achieving very high output impedances of cascode current sources. In
addition, this current flow can cause voltage drops across the substrate and possibly
cause latch-up, as the next section describes,

Another hot-carrier effect occurs when electrons gain energies high enough so
they can tunnel into and possibly through the thin gate oxide. Thus, this effect can
cause dc gate currents. However, often more harmful is the fact that any charge
trapped in the oxide will canse a shift in transistor threshold voltage. As a result, hot
carriers are one of the major factors limiting the long-term reliability of MOS transis-
tors. )

A third hot-carrier effect occurs when electrons with enough energy punch
through from the source to the drain. As a result, these high-energy electrons are no
longer limited by the drift equations governing normal conduction along the channel.
This mechanism is somewhat similar to punch-through in a bipolar transistor, where
the collector depletion region extends right through the base region to the emitter. In a
MOS transistor, the channel length becomes effectively zero, resulting in unlimited
current flow (except for the series source and drain impedances, as well as external
circuitry). This effect is an additional cause of lower output impedance and possibly
transistor breakdown.

It should be noted that all of the hot-carrier effects just described are more pro-
nounced for n-channel transistors than for their p-channel counterparts because elec-
trons have larger velocities than holes.

Finally, it should be noted that short-channel transistors have much larger sub-
threshold currents than long-channel devices. -

Subthreshold Operation

| The device equations presented for MOS transistors in the preceding sections are all
based on the assumption that V. (i.e., Vgg — V,) is greater than about 100 mV and
| the device is in strong inversion. When this is not the case, the accuracy of the square-
law equations is poor. If V; <-100 mV, the transistor is in weak inversion and is
| said to be operating in the subthreshold region. In this region, the transistor is more
accurately modelled by an exponential relationship between its control voltage and
current, somewhat similar to a bipolar transistor. In the subthreshold region, the drain
current is approximately given by the exponential relationship [Geiger, 1990]

Ip = IDD(V—:)e(qus/"kT) (1.121)
where
C.+C
= 22X Toepl g (1.122)
COX

and it has been assumed that Vg = 0 and Vg > 75 mV . The constant [, might be
around 20 nA.
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Although the transistors have an exponential relationship in this region, the trans-
conductances are still small because of the small bias currents, and the transistors are
slow because of small currents for charging and discharging capacitors. In addition,
matching between transistors suffers because it now strongly depends on transistor-
threshold-voltage matching. Normally, transistors are not operated in the subthreshold
region, except in very low-frequency and low-power applications,

Leakage Currents

An important second-order device limitation in some applications is the leakage cur-
rent of the junctions. For example, this leakage can be important in estimating the
maximum time a sample-and-hold circuit or a dynamic memory cell can be left in
hold mode. The leakage current of a reverse-biased junction (not close to breakdown)
is approximately given by

qAN;
271,

Xy (1.123)

where A, is the junction area, n; is the intrinsic concentration of carriers in undoped
silicon, T, is the effective minority carrier lifetime, and X, is the thickness of the
depletion region. T, is given by

1
Ty = S(Th+7,) (1.124)

-

where 1, and T, are the electron and hole lifetimes. Also, X4 is given by

= 2 s O, +V 1.125
X4 = .
d CIN ( 0 r) ( )

n = /NgN, e B&kD (1.126)

where N¢ and Ny are the densities of states in the conduction and valence bands and
Eg is the difference in energy between the two bands.

Since the intrinsic concentration, n;, is a strong function of temperature (it
approximately doubles for every temperature increase of 11 °C for silicon), the leak-
age current is also a strong function of temperature. Roughly speaking, the leakage
current also doubles for every 11 °C rise in temperature. Thus, the leakage current at
higher temperatures is much larger than at room temperature. This leakage current
imposes a maximum time on how long a dynamically charged signal can be main-
tained in a high impedance state.

and n; is given by

1.4 BIPOLAR-JUNCTION TRANSISTORS

In the early electronic years, the majority of microcircuits were realized using bipolar-
junction transistors (BJTs). However, in the late 1970s, microcircuits that used MOS
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Collector Emitter
I I

Is " ¢ Ig ¢

_’ 4_
Base Base

I.Q = 613 IE IC = BIB 1
— C

= 1005 v = 201, ‘
{Typical) Emitter (Typical it lateral) Coliector

{a) npn (b) prp

Fig. 1.27 The symbols representing {a} an npn bipolar-junction transistor and (b} a
pnp bipolar-junction transistor.

region, W, is small (typically, less than | pum). Also, as we will see, the base must be
more lightly doped than the emitter.

The circuit symbols used to represent npn and pnp transistors are shown in
Fig. 1.27.

Basic Operation

-

To understand the operation of bipolar transistors, we consider here an npn transistor
with the emitter connected to ground, as shown in Fig. 1.28. If the base voltage, Vg, is
less than about 0.5 V, the transistor will be cut off, and no current will flow. We will
see that when the base-emitter pn junction becomes forward biased, current will start
to flow from the base to the emitter, but, partly because the base width is small, a
much larger proportional current will flow from the collector to the emitter. Thus, the
npn transistor can be considered a current amplifier at low frequencies. In other

Vge = 07 V

i

Holes
|
\
Emitter <r :
n™ emitter

! p base
—Q VCE >0.3 V
_’ Electrons
Pl Pl
—

O~

Depletion region

n~ collector n

1

Fig. 1.28 Various components of the currents of an npn transistor.
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words, if the transistor is not cut off and the collector-base junction is reverse biased,
a small base current controls a much larger collector-emitter current.

A simplified overview of how an npn transistor operates follows: When the base-
emitter junction becomes forward biased, it starts to conduct, similar to any forward-
biased junction. The current consists of majority carriers from the base (in this case,
holes) and majority carriers from the emitter (in this case, electrons) diffusing across
the junction. Because the emitter is more heavily doped than the base, there are many
more electrons injected from the emitter than there are holes injected from the base.
Assuming the collector voltage is large enough so that the collector-base junction is
reverse biased, no holes from the base will go to the collector. However, the electrons
that travel from the emitter to the base, where they are now minority carriers, diffuse
away from the base-emitter junction because of the minority-carrier concentration gra-
dient in the base region. Any of these minority electrons that get close to the collec-
tor-base junction will immediately be “whisked” across the junction due to the large
positive voltage on the collector, which attracts the negatively charged electrons. In
a properly designed bipolar transistor, such as that shown in Fig. 1.25, the vertical
base width, W, is small, and almost all of the electrons that diffuse from the emitter
to the base reach the collector-base junction and are swept across the junction, thus
contributing to current flow in the collector. The result is that the collector current
very closely equals the electron current flowing from the emitter to the base. The
much smaller base current very closely equals the current due to the heles that flow
from the base to the emitter. The total emitter current is the sum of the electron col-
lector current and the hole base current, but since the hole current is much smaller than
the electron current, the emitter current is approximately equal to the collector current.

Since the collector current is approximately equal to the electron current flowing
from the emitter to the base, and the amount of this electron current is determined by
the base-emitter voltage, it can be shown {see Appendix at the end of this chapter) that
the collector current is exponentially related to the base-emitter voltage by the rela-
tionship

Vae/Vr

IC = Icse (1127)

where Ig is the scale current. This scale current is proportional to the area of the
base-emitter junction. The base current, determined by the hole current flowing from
the base to the emitter, is also exponentially related to the base-emitter voltage, result-
ing in the ratio of the collector current to the base current being a constant that, tc a
first-order approximation, is independent of voltage and current. This ratio, typically
denoted as [, is defined to be

B = Lo (1.128)

where I and I are the collector and base currents. Typical values of B are between
50 and 200.

Note that (1.127) implies that the collector current is independent of the collector
voltage. This independence ignores second-order effects such as the decrease in effec-
tive base width, W, due to the increase in the width of the collector-base depletion
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Transistor
breakdown
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VCE-sat = 0.3V VC

m Vt

Fig. 1.29 Typical plot of I versus V¢ for a BJT.

region when the collector bias voltage is increased. To illustrate this point, a typical
plot of the collector current, IC, as a function of collector-to-emitter voltage, VCE, for
different values of Ig is shown in Fig. 1.29 for a practical transistor. The fact that the
curves are not flat for Vo > Vg gy indicates the dependence of I on V. Indeed,
to a good approximation, the dependence is linear with a slope that intercepts the Vo
axis at Vg = -V, for all values of Ig. The intercept voltage value, V,, is called the
Early voltage for bipolar transistors, with a typical value being from 50 V to 100 V.
This dependency results in a finite output impedance (as in a MOS transistor) and can
be modelled by modifying equation (1.127) [Sze, 1981] to be

VBE/VT(

v
Ig = [oge 1+_°5] (1.129)

A

Large-Signal Modelling

A conducting BJT that has a Vg greater than Vg g, (Which is approximately 0.3 V)
is said to be operating in the active region. Such a collector-emitter voltage is required
to ensure that none of the holes from the base go to the collector. A large-signal model
of a BJT operating in the active region is shown in Fig. 1.30.

Fig. 1.30 A largesignal model for a BJT in the

active region.
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Since Iy = I/, we have

Ies voerv VoV
Fe BE T — IBSe BE T

which is similar to a diode equation, but with a multiplying constant of
Ics/B = Ipg. Since Iz = Ig + I, we have

Iy = (1.130)

I = ICS(%};"“"’T = Tege"®V (1.131)
or equivalently
Ic = alg (1.132)
where o has been defined as
B
o= — 1.133
B+1 ¢ )
and for large values of [3, can be approximated as
o = 1-[15 =1 (1.134)

If the effect of Vg on I is included in the model, the current-controlled source, Blg,
should be replaced by a current source given by

Ie = 513(1 +V_°E]“ (1.135)
Va

where V, is the Early-voltage constant. This additional modelling of the finite output
impedance is normally not done in large-signal analysis without the use of a computer
due to its complexity.

As the collector-emitter voltage approaches Vep.ga (typically around 0.2 to
0.3 V), the base-collector junction becomes forward biased, and holes from the base
will begin to diffuse to the collector. A common model for this case, when the transis-
tor is saturated or in the saturation region, is shown in Fig. 1.31. It should be noted
that the value of V¢, decreases for smaller values of collector current.

Is Te
—p <4+
VB VC
+
IB = IBSeVBE/VT VCE-sat = 03V
‘ IE = IC+IB
Ve

Fig. 1.31 A largesignal model for a BJT in the sature-
tion region.
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Base-Charge Storage in the Active Region

When a transistor is in the active region, many minority carriers are stored in the base f
region {electrons are stored in an NPN transistor). Recall that this minority charge is
responsible for I¢, so this charge must be removed (through the base contact) before
a transistor can turn off. As in a forward-bias diode, this charge can be modelled as a
diffusion capacitance, C,, between the base and emitter given by (see Appendix at
the end of this chapter)

Ig
Cd = Tb_ (].136)
Vs
where T, is the base-transit-time constant. Thus, we see that the diffusion capacitance
is proportional to I. The total base-emitter capacitance, Cp,, will include the base-
emitter depletion capacitance, Cj, in parallel with Cy. Normally, however, Cj is much

less than Cy, unless the transistor current is small, and can often be ignored.

Base-Charge Storage of a Saturated Transistor

When a transistor becomes saturated, the minority-charge storage in the base and,
even more so, in the lightly doped region of the collector, increases drastically. The
major component of this charge storage is due to holes diffusing from the base, :
through the collector junction, and continuing on through the lightly doped N~ epifax-
ial region of the collector to the n* collector région. The N~ epitaxial region is so
named because it is epitaxially grown on a p region. Most of the charge storage occurs
in this region, Also, additional charge storage occurs because electrons that diffused
from the collector are stored in the base, but this charge is normally smaller. The mag-
nitude of the additional charge stored by a transistor that is saturated is given by

I

Q, = rS(IB——C) (1.137)
B

where the base overdrive current, defined to be Iz — [/, is approximately equal to

the hole current from the base to the collector. Normally, in saturation, Iz >> [/,

and (1.137) can be approximated by

Q, = 1.l (1.138)

The constant T, is approximately equal to the epitaxial-region transit time, T¢ (ignor-
ing the storage of electrons in the base that diffused from the collector). Since the epi-
taxtal region is much wider than the base, the constant T is normally much larger than
the base transit time, the constant T, often by up to two orders of magnitude. The spe-
cific value of 1, is usvally found empirically for a given technology.

When a saturated transistor is being turned off, first the base current will reverse.
However, before the collector current will change, the saturation charge, Qg, must be
removed. After Qg is removed, the base minority charge, Q,, will be removed. Dur-
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ing this time, the collector current will decrease until the transistor shuts off. Typi-
cally, the time to remove Q, greatly dominates the overall charge removal.

If the time required to remove the base saturation charge, t., is much shorter than
the epitaxial-region transit time, Tg, then one can derive a simple expression for the
time required to remove the saturation charge. If the reverse base current (when the
saturation charge is being removed), denoted by Igg. remains constant while Qg is
being removed, then we have [Hodges, 1988]

t,z — = —— 1 =g (1.139)

where 1, = 1.

Normally, the forward base current during saturation, Ig, will be much smaller
than the reverse base current during saturation-charge removal, Igg . If this were not
the case, then our original assumption that t; << Tg = 1, would not be true. In this
case, the turn-off time of the BJT would be so slow as to make the circuit unusable in
most applications. Nevertheless, the turn-off time for this case, when 1  is not much
less than Tg, is given by [Hodges, 1988]

IBR + IB

t, = 14ln I (1.140)

B

The reader should verify that for Igg >> Ig and Igg >> I/, the expression in
(1.140} is approximately equivalent to the much simpler one in (1.139).

In both of the cases just described, the time required to remove the storage charge
of a saturated transistor is much larger than the time required to turn off a transistor in
the active region. In high-speed microcircuit designs, one never allows bipolar tran-
sistors to saturate, to avoid the long turn-off time that would result.

EXAMPLE 1.13

For 1, = 0.2 ns, 1, = 100 ns (a small value for 1), Iz = 0.2 mA, Iz =1
mA, § = 100, and Igg = 1 mA, calculate the time required to remove the
base saturation charge using (1.139), and compare it to the time obtained using
the more accurate expression of (1.140). Compare these results to the time
required to remove the base minority charge for the same Igg.

Solution
Using (1.139), we have

107(2x 107
10

ty = = 20 ns (1.141)

-3
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Using (1.140), we have

1w'+2x10"

-3
1074 10
100

t, = 107In = 17.2 ns (1.142)

which is fairly close to the first result.
The time required for an active tramsistor to remove the base minority
charge, Q,, is given by

Qe

ts (1.143)

N T

This is approximately 100 times shorter than the time for removing the base sat-
uration charge!

Small-Signal Modelling

The most commonly used small-signal model is the hybrid-im model. This model is
similar to the small-signal model used for MOS transistors, except it includes a finite
base-emitter impedance, I, and it has no emitter-to-bulk capacitance. The hybrid-n
model is shown in Fig. 1.32. As in the MOS case, we will first discuss the transcon-
ductance, ¢, and the small-signal resistances, and then we will discuss the parasitic
capacitances.

The transistor transconductance, g,,, is perhaps the most important parameter of
the small-signal model. The transconductance is the ratio of the small-signal coliector
current, i, to the small-signal base-emitter voltage, V. . Thus, we have

i olc
= — = (1.144)

O Ve 9Vge
Base P Coo "_c_ Collector
Vo O—AA—1 ' i 1 + ——o v,

— :
. ib +
Cre _|_ M _Vbe ImVbe o I Cee

Ly

e
Ermnitter

Fig. 1.32 The small-signal model of an active BJT.
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Recall that in the active region

I = Igse =7 (1.145)
Then
ol |
Om = O = 8g"seV (1.146)
dVege V7
Using {1.145) again, we obtain
Ig
= = 1.147
Gm v, ( )
where V1 is given by
VT = ﬂ— (1,148)
q

and is approximately 26 mV at a room temperature of T = 300 °K . Thus, the trans-
conductance is proportional to the bias current of a BJT. In integrated-circuit design,
it is important that the transconductance (and hence speed) remain temperature inde-
pendent, so the bias currents are usually made proportional to absolute temperature
(since V1 is proportional to absolute temperature).

The presence of the resistor r, reflects the fact that the base current is nonzero.
We have

Ve

= - 1.149
L (1.149)

n

Because from (1.130) we have

_ IC IC_SeVBE/VT

I === (1.150)
BB
we therefore have
dl |
1. Jls 08 Vet (1151
T oVee BV
Using (1.150) again, we have
: Vv
[o= - (1.152)
Ig
or equivalently,
Vv
=prt =B (1.153)
IC Om

Since

i, = i+, (1.154)
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we also have
dle al. ol

(1.155)

Some alternative models, usually called T models (see page 55), use the emitter resis-
tance, ry, where

aVv
r,= —ot - % (1.156)
Continuing, we have
ol
1. J%%¢ (1.157)
ro odVee

The small-signal resistance, r,, models the dependence of the collector current on the
collector-emitter voltage. Repeating (1.129) herg for convenience,

\%
Ig = Icsev““’*[l +£) (1.158)
A
we have
al I
1 _ 9% _ los VeeVr (1.159)
ro OVee Vi
Thus,
\Y
fo = — (1.160)
I¢

which is inversely proportional to the collector current. As an aside, note that g,,f, =
Va7V is a constant value independent of the transistor operating point. This con-
stant is usually between 2,000 and 8,000 for an npn BJT and is an upper limit on the
attainable voltage gain for a single-transistor amplifier.

The resistor r, models the resistance of the semiconductor material between the
base contact and the effective base region due to the moderately lightly doped base p
material (see Fig. 1.25). This resistor, although smatl (typically a few hundred ohms),
can be important in limiting the speed of very-high-frequency low-gain BIT circuits
and is a major source of noise.
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EXAMPLE 1.14

For I = | mA, B = 100. and V, = 100 V, calculate g, ;. fo, . and
Gmlo-
Solution

We have

I. 10x10"A

Im Vi 0.026 V ( :
=P - 26k0 (1.162)
m

100
o= = = (i P6 = 2570 (1.163)

Om N0

v

=210 ko (1.164)

IC 10_"

and gl the maximum possible gain with a single-transistor amplifier, is given
by

Vg
Omlo = = = 3.846 _ (1.165)
Vi

Note that this gain is much higher than the 52.6 that was found for a single MOS
transistor in Example 1.9. Also note that this BJT maximum gain is independent
of the bias current. For MOS transistors, it can be shown that the maximum gain
decreases with larger bias cusrents in a square-root relationship. This is one of
the reasons why it is possible to realize a single-transistor BJT amplifier with a
much larger gain than would result if a MOS transistor were used, especially at
high current levels {and therefore at high frequencies).

The high-frequency operation of a BJT is limited by the capacitances of the
small-signal model. We have already encountered one of these capacitances, Cp,. in
Section 1.1. Recapping, we have

Cpe = Ci+Cd (1.166)
where C; is the depletion capacitance of the base-emitter junction. For a forward-
biased junction, a rough approximation for Cj is

The diffusion capacitance. Cy. is given in (1.136) as
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1
Cy = 'rbv—c = Gy (1.168)

T
The capacitor, C,, models the depletion capacitance of the collector-base junction.
Since this is a graded junction, we can approximate C, by

ACCiCO

1/3
[1 Ve
+
@y

where A is the effective area of the collector-base interface.

Due to the lower doping levels in the base and especially in the collector (perhaps
5% 107 acceptors/m® and 10?! donors/m®, respectively), @, the built-in potential
for the collector-base junction, will be less than that of the base-emitter junction (per-
haps .75 V as opposed to 0.9 V). It should be noted that the cross-sectional area of
the collector-base junction, Ag, is typically much larger than the effective area of the
base-emitter junction, Ag, which is shown in Fig. 1.25. This size differential results in
Ac Cieq being larger than Ag Cigp, the base-emitter junction capacitance at 0 V bias,
despite the lower doping levels.

Finally, another large capacitor is Cq, the capacitance of the collector-to-
substrate junction. Since this area is quite large, Cgq, which is the depletion cap-
acitance that results from this area, will be much larger than either Cg, or the
depletion capacitance component of Cy,, that is, C;. The value of Cgq can be cal-
culated using -

ATstO

Vegy'2
3

(Ds{)
where Ay is the effective transistor area and Cj4 is the collector-to-substrate capaci-
tance per unit area at 0-V bias voltage.

A common indicator for the speed of a BIT is the frequency at which the transis-
tor’s current gain drops to unity, when its collector is connected to a small-signal
ground. This frequency is denoted f, and is called the transistor unity-gain frequency.
We can see how this frequency is related to the transistor model parameters by ana-
lyzing the small-signal circuit of Fig. 1.33. In the simplified model in part b, the resis-

tor ry is ignored because it has no effect on iy, since the circuit is being driven by a
perfect current source. We have

Vbe = ib[rn

Cep = (1.169)

Cos = (1.170)

| .
1.171
SCCJ ( )

sCpe

and

i, = 9mVbe (1.172)
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‘ (a)
iy i
—» - <+
Ly Cre J— e % Cu J—tvbe ImVbe
r 11 1 L |
(b)

Fig. 1.33 [a) A smallsignal model used to find f,; {5} an equivalent simplified model.

Solving for i, / i, gives

.i-C - gmrTE
lp L +8(Cpe+Cepliy

(1.173)

At low frequencies, the current gain is g,,f,, which equals the expected value of B
(using (1.153)). At high frequencies, i, / i, is approximately given by

I )‘ ~ Yl _ O

=(0)| = =
Iy ®(Cpe + Cep)fx o(Cpe + Cgp)

(1.174)

To find the unity-gain frequency, we set |(i,/i,)(®@,)| = 1 and solve for ®;, which

results in
9m
© = — 1.175
1 Cbe+ch ( )
or
f, = O (1.176)
21(Che + Cep)

Often, either f,, o, or Ty = 1/, will be specified for a transistor at a particular bias cur-
rent. These values indicate an upper limit on the maximum frequency at which the
transistor can be effectively used.

The hybrid-m model is only one of a number of small-signal models that can be
used. One common alternative is the low-frequency T model shown in Fig. 1.34. Use
of this T model often results in a much simplified analysis, compared to use of the
hybrid-t model, and thus it is useful for hand analysis.
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Fig. 1.34 A low-frequency, small-signal T
moedel for an active BJT.

1.5 DEVICE MODEL SUMMARY

As a useful aid, all of the equations for the large-signal and small-signal modelling of

diodes, MOS transistors, and bipolar transistors, along with values for the various
constants, are listed in the next few pages.

Constants
q=1602x10"¢C k=138x102 JK
n = 1.1x 10" carriers/m? at T = 300 °K gy = 8854 %10 > F/m
Kox = 3.9 Ks = 11.8
n, = 0.05 m/V-s Bp = 0.02 m2/V -5

Diode Equations
Reverse-Biased Diode (Abrupt Junction)

i)
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Forward-Biased Diode

e P, D
= +
Ip=Te"" | ® LN Na LNp

V; = % = 26 mV at 300 °K

Small-Signal Model of Forward-Biased Diode

VT CT = Cd+Ci
rd = —
Ip
I C =2C
Cq = Tr—m ' i
VT
LZ
TT = D_

MOS Transistor Equations

The following equations are for n-channel devices—for p-channel devices, put nega-

tive signs in front of all voltages. These equations do not account for short-channel
effects (i.e., L<2Lyn )

Triode Region (Vgs> Vin, Vps< Vo)

VDS
ID = UnCox[ (VGS th)VDS_"z_

Veif = VGS - th

Vin = Vino +7(J/Vsp + 208 — J20F)
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kT, (Na 12K e,N,
q n; Cox
KoE
Cox = to :

fgs =

=1
w
ncox[t)"/eff

Cga

CiolAs + WL/2)

1
= Cgs = EWLCOX-}-WLOVCOX CSb = Cdb =

Active (or Pinch-Off) Region (Vgg >V, Vps= Vag)

,
_ UnCouW

—{(Vas— Vi) 11+ A{Vpg — Veir)]

L 2 L

A<

! Vin = Vino + Y(JVsp + 20— /20¢)

L/ Vg —Ven + @

oI,

Vet = Vgs—Vip = ————
eff Gs~ Vin L CoW/L
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Small-Signal Model {Active Region)

Cya
- |1 .
il
¥
Vs T ImVgs QsVe

vy O-

| | l 0 Vu
rdS Cdb I
VS

8m = uncox(¥)ve” On = JQHNCOX(W/L)ID
21 YO
Om = v gs = e
eff ZAJVSB + |2¢F|
(s = e g, = 0.29,,
S Al -
A = krcss, - 2K580
2L Vpg— Vit + @ e qNa
C,, = %WLCOX+WLOVCOX Cos = WhoCox
Csb = (AS + WL)C]S + PSCj-Sw C _ C](]
P —
B T+ Ves/®,
Cdb = AdCid+Pde-SW C_d _ Clo
T+ Ve
Typical Values for a 0.8-um Process
Vin = 08V Vip = -09V
H,Co, = 90 HA/V’ pCox = 30 RA/V?
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Cox = 1.9x 107 pF/{um)’ C,=24x10™ pF/(um)’ :
¢
Ciew = 2.0x 107 pE/pm Cyetoveriapy = 2:0x 107" pF/pum :
O = 034V @, =09V
y=05V" tox = 0.02 Um
Ng = 6x 10° impurities/m’

Bipolar-Junction Transistors

Active Transistor

Vag/V kT
[c = lcge ™ 7 Vi = — = 26 mV at 300 °K

q

VgerV CE
For more accuracy, [c = Igge ™ T[l + v—)
A

AEC‘Dnni2 I = IC
Ies = —— BT R 1
WN, B _
NpL
IE=(1+1)IC:lIC=(B+1)IB B:I_C:%Em_[’_p
B o Iy Dy NW N W
o= P
1+B
Small-Signal Model of an Active BJT
Base My - o ic  Collector
Vp O—=—AN 1 ” ' 1 — O v,
., ‘ 1
Cbe ;: Mo _Vbe ImVhe Iy I Ccs
. ‘
Ve

Emitter
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I Vv
gm = _E rr[ = —T = E
VT IB Om
vV
fg = -q- o = _A
Grm 1
VA IC
Omly = V_T Cy = TbV—T = OmTy
Cbe = Cl + Cd C . ATC|SO
cs (1 V_CSJHJ
(1)50
ACCjCO
Ces Vgl
O
(DCO

1.6 SPICE-MODELLING PARAMETERS

This section briefly describes some of the important model parameters for diodes,
bipolar transistors, and MOS transistors used during a SPICE simulaticn. It should be
noted here that not all SPICE model parameters are described. However, enough are
described to enable the reader to understand the relationship between the relative
parameters and the corresponding constants used when doing hand analysis.

Diode Model

There are a number of important dc parameters. The constant Ig is specified using
cither the parameter 1S or J§ in SPICE. These two parameters are synonyms, and only
one should be specified. A typical value specified for Ig might be between 1078 A
and 107 A for small diodes in a microcircuit. Another important parameter is called
the emission coefficient, n. This constant multiplies V¢ in the exponential diode I-V
relationship given by

I = Ige ™" (1.177)

The SPICE parameter for n is N and is defaulted to 1 when not specified (1 is a rea-
sonable value for junctions in a microcircuit). A third important dc characteristic is
the series resistance, which 1s specified in SPICE using RS. It should be noted here
that some SPICE programs allow the user to specify the area of the diode, whereas
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others expect absolute parameters that already take into account the effective area.
The manual for the program being used should be consulted.

The diode transit time is specified using the SPICE parameter TT. The most
important capacitance parameter specified is CJ. CJO and CJ are synonyms-—one
should never specify both. This parameter specifies the capacitance at 0-V bias. Once
again, it may be specified as absolute or as relative to the area (i.e., F/m’ ), depend-
ing on the version of SPICE used. Also, the area junction grading coefficient, MJ,
might be specified to determine the exponent used in the capacitance equation. Typi-
cal values are 0.5 for abrupt junctions and 0.33 for graded junctions. In some SPICE
versions, it might also be possible to specify the sidewall capacitance at 0-V bias as
well as its grading junction coefficient. Finally, the built-in potential of the junction,
which is also used in calculating the capacitance, can be specified using PB. PHI, VJ,
and PHA are all synonyms of PB.

Reasonably accurate diode simulations can usually be obtained by specifying
only IS, CJ, MJ, and PB. However, most modem versions of SPICE have many more
parameters that can be specified if one wants accurate temperature and noise simula-
tions. Users should consult their manuals for more information.

Table 1.1 summarizes some of the more important diode parameters. This set of
parameters constitutes a minimal set for reasonable simulation accuracy under ordi-
nary conditions.

MOS Transistors

Modern MOS models are quite complicated, so only some of the more important MOS
parameters used in SPICE simulations are described here. These parameters are used
in what are called the Level 2 or Level 3 models, The model level can be chosen by
setting the SPICE parameter LEVEL to either 2 or 3. The oxide thickness, t,,, is spec-
ified using the SPICE parameter TOX. If it is specified, then it is not necessary to
specity the thin gate-oxide capacitance (C,,, specified by parameter COX). The
mobility, U, can be specified using UO. If UO is specified, the intrinsic transistor con-
ductance (,C,, ) will be calculated automatically, unless this automatic calculation
is overridden by specifying either KP (or its synonym, BETA). The transistor thresh-
old voltage at Vg = 0 V, V,, is specified by VTO. The body-effect parameter, ¥y,

Table 1.1 Important SPICE parameters for modelling diodes

SPICE Model

Parameter Constant Brief Description Typical Value
IS Ig Transport saturation current 10" A

RS Ry Series resistance 30 &

TT 1T Diode transit time 12 ps

CJ Cio Capacitance at 0-V bias 0.01 pF

MIJ m, Diode grading coefficient exponent 0.5

PB @, Built-in diode contact potential 09V




1.6 SPICE-Modelling Parameters 63

can be specified using GAMMA, or it will be automatically calculated if the substrate
doping, N, is specified using NSUB. Normally, one would not want SPICE to calcu-
late ¥ because the effective substrate doping under the channel can differ significantly
from the substrate doping in the bulk due to threshold-voltage adjust implants. The
output impedance constant, A, can be specified using LAMBDA. Normally,
LAMBDA should not be specified since it takes precedence over internal calculations
and does not change the output impedance as a function of different transistor lengths
or bias voltages (which should be the case). Indeed, modelling the transistor output
impedance is one of weakest points in SPICE. If LAMBDA is not specified, it is cal-
culated automatically. The surface inversion potential, |2¢|, can be specified using
PHI, or it will be calculated automatically. Another parameter usually specified is the
lateral diffusion of the junctions under the gate, L, which is specified by LD. For
accurate simulations, one might also specify the resistances in series with the source
and drain by specifying RS and RD (typically only the source resistance is important).
Many other parameters exist to model such things as short-channel effects, subthresh-
old effects, and channel-width effects, but these parameters are outside the scope of
this book.

The modelling of parasitic capacitances in SPICE is quite involved. Originally,
this modelling was not very accurate since it did not include charge conservation for
the gate charge. However, this modelling has greatly improved in recent commercial
versions of SPICE. The capacitances under the junctions per unit area at 0-V bias,
(i.e., Cjo) can be specified using CJ or can be calculated automatically from the speci-
fied substrate doping. The sidewall capacitances at 0 V, Cjyq, should normally be
specified using CISW because this parameter is used to calculate significant parasitic
capacitances. The bulk grading coefficient specified by MJ can usually be defaulted to
0.5. Similarly, the sidewall grading coefficient specified by MISW can usually be
defaulted to 0.33 (SPICE assumes a graded junction). The built-in bulk-to-junction
contact potential, ®,, can be specified using PB or defaulted t0 0.8 V (note that 0.9 V
would typically be more accurate, but the resulting simulation differences are small).
Sometimes the gate-to-source or drain-overlap capacitances can be specified using
CGSO or CGDO, but normally these would be left to be calculated automatically
using COX and LD.

Some of the more important parameters that should result in reasonable simula-
tions {except for modelling short-channel effects) are summarized in Table 1.2 for
both n- and p-channel transistors. Table 1.2 lists reasonable parameters for a typical
0.8-pm technology. '

Bipolar Junction Transistors

For historical reasons, most parameters for modelling bipolar transistors are specified
absolutely. Also, rather than specifying the emitter area of a BJT in ( um)2 on the line
where the individual transistor connections are specified, most SPICE versions have
multiplication factors. These multiplication factors can be used to automatically mul-
tiply parameters when a transistor is composed of several transistors connected in par-
allel. This multiplying parameter is normally called M.
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Table 1.2 A reasonable set of MOS parameters for a typical 0.8-im technology

SPICE Model
Parameter Constant Brief Description Typical Value
VTO Vin:Vip  Transistor threshold voltage (in V) 0.7:-0.9
uo Hnilp Carrier mobility in bulk (in cm*/V-s) < 300:175
TOX t,, Thickness of gate oxide (in m) 1.8x 107"
LD Lo Lateral diffusion of junction under gate (in m) 6x 10-%
GAMMA ¥ Body-effect parameter 0.5:0.8
NSUB Na:Np  The substrate doping (in cm™) 1% 1016:7.5 x 1016
PHI |20k Surface inversion potential {in V) 0.7
PB D, Built-in contact potential of junction to bulk (in V) 0.9
Cl Ci Junction-depletion capacitance at 0-V bias (in F/m’) 2.5 x 1074.0% 107
CISwW Ci.swo Sidewall capacitance at 0-V bias (in F/m) 20x107"28x 107"
M m, Bulk-to-junction exponent (grading coefficient) 0.5
MISW Mgy Sidewall-to-junction exponent (grading coefficient) (.3

The most important d¢ parameters are the transistor current gain, B, specified by
the SPICE parameter BF; the trunsistor-transport saturation current, I,g, specified
using the parameter IS; and the Early-voltage constant, specified by the parameter
VAF. Typical values for these might be 100, 1077 A. and 50 V, respectively. If one
wants to model the transistor in reverse mode (where the emitter voltage is higher
than the collector voltage for an npn), then one might specify BR, ISS, and VAR, as
well; these are the parameters that correspond to BIF, IS, and VAF in the reverse
direction. Typically, this reverse-mode modelling is not important for most circuits.
Some other important dc parameters for accurate simulations are the base, emitter,
and collector resistances, which are specified by RB. RE, and RC, respectively. It is
especially important to specify RB (which might be 200 £2 to 500 £2).

The important capacitance parameters and their corresponding SPICE parameters
include the depletion capacitances at 0-V bias voltage, CIE, CIC, CJS; their grading
coefficients, MJE. MJC, M1S; and their built-in voltages, VIE, VIC, VIS, for base-
emitter, base-collector, and collector-substrate junctions. Again, the (-V depletion
capacitances should be specified in absolute values for a unit-sized transistor. Normally
the base-emitter and base-collector junctions are graded (i.e., MJE, MJC = 0.33),
whereas the collector-substrate junction may be either abrupt (MIS = (.5) or graded
(MJS =0.5). depending on processing details. Typical built-in voltages might be 0.75 V
to 0.8 V. In addition, for accurate simulations, one should specify the forward-base
transit time, T, specified by TF. and, if the transistor is to be operated in reverse mode
or under saturated conditions, the reverse-base transit time, Tg, specified by TR.

The most important of the model parameters just described are summarized in
Table 1.3.

Once again, many other parameters can be specified if accurate simulation is
desired. Other parameters might include those to model B degradation under high or
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Toble 1.3 The most important SPICE parameters for modelling BJTs

SPICE Maodel

Parameter Constant Brief Description Typical Value
BF B Transistor current gain in forward direction 100

1SS Ics Transport saturation current in forward direction 2x10"" A
VAF Va Early voltage in forward direction 0V

RB Mo Series base resistance 500 Q

RE Re Series emitter resistance 30 Q

CIE Cieo Base-emitter depletion capacitance at 0 V 0.015 pF
clC Cieo Base-collector depletion capacitance at ¢ V 0.018 pF
CIs Cieo Collector-substrate depletion capacitance at 0 V 0.040 pF
MIE mg Base-emitter junction exponent (grading factor) 0.30

MIC mg Base-collector junction exponent (grading factor) 0.35

MIS m, Collector-substrate junction exponent (grading factor)  0.29

TF T Forward-base transit time 12 ps

TR TR Reverse-base transit time 4 ns

low current applications and parameters for accurate noise and temperature analysis.
Readers should refer to their SPICE manuals for descriptions of these parameters.

1.7 APPENDIX

The purpose of this appendix is to present derivations for device equaticns that rely
heavily on device physics knowledge. Specifically, equations are derived for the
exponential relationship and diffusion capacitance of diodes, for the threshold voltage
and triode relationship for MOS transistors, and for the exponential relationship and
base charge storage for bipolar transistors.

Diode Exponential Relationship

The concentration of minority carriers in the bulk, far from the junction, is given by
Eqs. (1.2) and (1.4). Close to the junction, the minority-carrier concentrations are
much larger. Indeed, the concentration next to the junction increases exponentially
with the external voltage, V, that is applied in the forward direction. The concentra-
tion of holes in the n side next to the junction, p,, is given by [Sze, 1981]

2
n.

D, = pngeVD/VT _ v (L178)
No

Similarly, the concentration of electrons in the p side next to the junction is given by
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vprve My vpvy
Ny = Nge€ = N—e {(1.179)
A
As the carriers diffuse away from the junction, their concentration exponentially
decreases. The relationship for holes in the n side is

-x/L .
Pa(X) = py(0)e 7 (1.180)
where X is the distance from the junction and L, is a constant known as the diffusion
length for holes in the n side. Similarly, for electrons in the p side we have

-x/L
Np(X} = ny(0)e (1.181)

where Ly, is a constant known as the diffusion length of electrons in the p side. Note
that p,, (0) and N, (0) are given by (1.178) and (1.179), respectively. Note also that the
constants L, and L, are dependent on the doping concentrations N a and Np, respec-
tively.

The current density of diffusing carriers moving away from the Jjunction is given
by the well-known diffusion equations [Sze, 1981]. For example, the current density
of diffusing electrons is given by

dnp(x)

Jo., = —qD 1.182
D-n qu, dx ( )

where D, is the diffusion constant of electrons in the p side of the junction. The nega-
tive sign is present because electrons have “negative charge. Note that D, =
(KT/Q)u,, where 1, is the mobility of electrons. Using (1.181), we have

dn,(x) _ np(O)e,x,Ln _np(x)

= 1.183
dx L, L, ( )

Therefore

gD,
Ln

Jon = Np(X) (1.184)

Thus, the current density due to diffusion is proportional to the minority-carrier con-
centration. Next to the junction, all the current flow results from the diffusion of
minority carriers. Further away from the junction, some of the current flow is due to
diffusion and some is due to majority carriers drifting by to replace carriers that
recombined with minority carriers or diffused across the junction.

Continuing, we use (1.179) and (1.184) to determine the current density next to
the junction of electrons in the p side:

qD,

‘JD-n - Ln np(o)

(1.185)
ann_izeVD/VT

Ln NA
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For the total current of electrons in the p side, we multiply (1.185) by the effec-
tive junction area, Ap. The total current remains constant as we move away {rom
the junction since, in the steady state, the minority carrier concentration at any par-
ticular location remains constant with time. In other words, if the current changed as
we moved away from the junction, the charge concentrations would change with
time. ‘

Using a similar derivation, we obtain the total current of holes in the n side, ID,p,
as

2
_ ADan nl‘ eVD/VT

Ip, = L1
D-p LpND ( 86)

where D, is the diffusion constant of electrons in the p side of the junction, Lp is the
diffusion length of holes in the n side, and Ng is the impurity concentration of donors
in the n side. This current, consisting of positive carriers, flows in the direction oppo-
site to that of the flow of minority electrons in the p side. However, since electron car-
riers are negatively charged, the direction of the current flow is the same. Note also
that if the p side is more heavily doped than the n side, most of the carriers will be
holes, whereas if the n side is more heavily doped than the p side, most of the carriers
will be electrons.
The total current is the sum of the minority currents at the junction edges:

(D D
Ip = Apgni| — 4+ —P " (1.187)
L.Ns LgNp
Equation (1.187) is often expressed as
I, = Ige"™"" (1.188)
where
3 D D
Is = Apany} —— + —2 (1.189)
LNy LPND

Equation (1.188) is the well-known exponential current-voltage relationship of forward-
biased diodes.

The concentrations of minority carriers near the junction and the direction of cur-
rent flow are shown in Fig. 1.35

Diode-Diffusion Capacitance

To find the diffusion capacitance, Cy, we first find the minority charge close to the
junction, Q4 and then differentiate it with respect to V. The minority charge close
to the junction, Qy, can be found by integrating either (1.180) or (1.181) over a few
diffusion lengths. For example, if we assume Ny, the minority electron concentration
in the p side far from the junction is much less than ng{0}, the minerity electron con-
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Direction of positive current
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Fig. 1.35 The concentration of minority carriers and the direction of diffusing carriers
near a forward-biased junction.

centration at the junction edge, we can use (1.181) to obtain

Q, = qADj:np(x)dx

= qADj;np(O)e_X/L"dx (1.190) 2
= qADLnnp(O) "_
Using (1.4) for ny(0) results in :
ApL.n’
Q, = Jomnll Vorvy (1.191)
Na
In a similar manner, we also have
ApL.n?
Q, = 22070l g Vo (1.192)
Np

For a typical junction, one side will be much more heavily doped than the other
side, and therefore the minority charge storage in the heavily doped side can be
ignored since it will be much less than that in the lightly doped side. Assuming the n
side is heavily doped, we find the total charge, Qg, to be approximately given by Q,,,
the minority charge in the p side. Thus, the small-signal diffusion capacitance, Gy, is
given by

dQ, _ dQ, _ Aok’ v,
dvp, ~ dVp  N.V;

1

C, = (1.193) L

Using (1.187) and again noting that Ny >> N,, we have
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Cy = :;—: f/—i {1.194)
Equation (1.194) is often expressed as
Cy = rTI—D ‘ (1.195)
Vy
where ¢ is the transit time of the diode given by
Ly
T = D_n (1.196)

for a single-sided diode in which the n side is more heavily doped.

MOS Threshold Voltage and the Body Effect

Many factors affect the gate-source voltage at which the channel becomes conductive.
These factors are as follows:

1. The work-function difference between the gate material and the substrale
material

2. The voltage drop between the channel and the substrate required for the
channel to exist -

3. The voltage drop across the thin oxide required for the depletion region, with
its immobile charge, to exist

4, The voltage drop across the thin oxide due to unavoidable charge trapped in
the thin oxide

5. The voltage drop across the thin oxide due to implanted charge at the surface
of the silicon. The amount of implanted charge is adjusted in order to realize
the desired threshold voltage. '

The first factor affecting the transistor threshold voltage, Vy,, is the built-in Fermi
potential due to the different materials and doping concentrations used for the gate
material and the substrate material. If one refers these potentials to that of intrinsic sil-
icon [Tsividis, 1987], we have

kT Np
PrGae = T ln[?i) (1.197)
for a polysilicon gate with doping concentration Np, and
kT, M
Sub = — ln(—) 1.198
be.sub 9 N, ( )

for a p substrate with doping conceniration N,. The work-function difference is then
given by
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Oms = Or.sub — Prgate

NN
=gh{ D A] (1.199)

q n?

The next factor that determines the transistor thresheld voltage is the voltage drop
from the channel to the substrate, which is required for the channel to exist. The ques-
tion of exactly when the channel exists does not have a precise answer. Rather, the
channel is said to exist when the concentration of electron carriers in the channel is
equal to the concentration of holes in the substrate. At this gate voltage, the channel is
said to be inverted. As the gate voltage changes from a low value to the value at which
the channel becomes inverted, the voltage drop in the silicon also changes, as does the
voltage drop in the depletion region between the channel and the bulk. After the chan-
nel becomes inverted, any additional increase in gate voltage is closely equal to the
increase in voltage drop across the thin oxide. In other words, after channel inversion,
gate voltage variations have little effect on the voltage drop in the silicon or the deple-
tion region between the channel and the substrate.

The electron concentration in the channel is equal to the hole concentration in the
substrate when the voltage drop from the channel to the substrate is equal to two times
the difference between the Fermi potential of the substrate and intrinsic silicon, ¢,

where
KT, (Na
= ——1 (— 1.200
o = — () (1.200)
Equation (1.200) is a factor in several equations used in modelling MOS transistors.
For typical processes, ¢ can usually be approximated as 0.35 V for typica! doping
levels at room temperature.

The third factor that affects the threshold voltage is due to the immobile negative
charge in the depletion region left behind after the p mobile carriers are repelled. This
effect gives rise to a voltage drop across the thin oxide of -Qg/C,,, where

Qg = —-gNxy (1.201)

and X, is the width of the depletion region. Since

2K g4]2
Xy = M (1.202)
. qN,

Qg = —.J2qN, K eo[20¢] (1.203)

The fourth factor that determines Vy, is due to the unavoidable charge trapped in
the thin oxide. Typical values for the effective ion density of this charge, N, might
be 2 x 1014 to 1015 jons/m®. These ions are almost always positive. This effect gives
rise to a voltage drop across the thin oxide, V,, given by

_Qox _ _qNox

we have

V. = (1.204)

ox
CDK COX
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The native transistor threshold voltage is the threshold voltage that would occur natu-
rally if one did not include a special ion implant used to adjust the threshold voltage.
This value is given by
QB Qox
Vinative = -20p - — - — 1.205

t-native ¢MS ¢'F Cox Cox ( )
A typical native threshold value might be around 0.1 V. It should be noted that tran-
sistors that have native transistor threshold voltages are becoming more important in cir-
cuit design where they might be used in transmission gates or in source-follower buffers.

The fifth factor that affects threshold voltage is a charge implanted in the silicon
under the gate to change the threshold voltage from that given by (1.205) to the
desired value, which might be 0.7 V for an n-channel transistor.

For the case in which the source-to-substrate voltage is increased, the effective
threshold voltage is increased. This is known as the body effect. The body effect occurs
because, as the source-bulk voltage, Vgz, becomes larger, the depletion region
between the channel and the substrate becomes wider, and therefore more immobile
negative charge becomes uncovered. This increase in charge changes the third factor
in determining the transistor threshold voltage. Specifically, instead of using (1.203) to
determine Qpg, one should now use

Qg = —2aNKEo(Vsp +206]) (1.206)

If the threshold voltage when Vgg = 0 is denoted Vi, then, using (1.205) and (1.206),
one can show that b

Vin = Ving + AVy,

J2aN K, g,

[JVSB+ 120¢] - ~/|2¢F|}

+
e Cox (1.207)
= Vg + Y(«/VSB +20¢ - «/|2¢F|)
where
J2qN, K
Y = ~2ANARsE (1.208)

Cox

The factor ¥ is often called the body-effect constant.

MOS Triode Relationship

The current flow in a MOS transistor is due (o drift current rather than diffusion cur-
rent. This type of current flow is the same mechanism that determines the current in a
resistor. The current density, J, is proportional to the electrical field, E, where the
constant of proportionality, ¢, is called the electrical permittivity. Thus,

J = oE (1.209)
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Integrating both sides of (1.222), and noting that the total voltage along the channel of
length L is Vpg, we obtain

v L
J " aWC Ve - Ven(¥) - Vil dVey = [ Todx (1.223)
which results in
Vbs
HaWC o (Vas = Vin)Vos - | F Ipl (1.224) ]
Thus, solving for I results in the well-known triode relationship for a MOS transis- _
tor:
W Vps ’
Ip = p—nCox(t) (Vas = Vin)Vps - = (1.225) y

It should be noted that taking into account the body effect along the channel, the tri- :
ode model of (1.225) is modified to

W Ve
ID = ucox(t)l:(vGS_th)vDS_aTDS} (1.226)

where & = 1.7 [Tsividis, 1987].

Bipolar Transistor Exponential Relationship

The various components of the base, collector, and emitter currents were shown in
Fig. 1.28, on page 44. Figure 1.38 shows plots of the minority-carrier concentrations

n* emitter | p~ base region | n~collector
region region
g p(0) S

Electron > |
current

D ¢ Hole current |
el

| |

x =0 w

Fig. 1.38 The concentrations of minority carriers in the emitter, base, and collector.
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in the emitter, base, and collector regions. The current flow of these minority carriers
is due to diffusion. By calculating the gradient of the minority-carrier concentrations
near the base-emitter junction in a manner similar to that used for diedes, it is possible
to derive a relationship between the electron current and the hole current of Fig. 1.28.

The concentration of holes in the emitter at the edge of the base-emitter depletion
region is denoted p,(0). This concentration decreases exponentially the farther one
gels from the junction, in a manner similar to that described for diodes. The concen-
tration far from the junction, p 0, is given by

Pev = N_D (1.227

where Nj is the doping density of the n™ emitter. At a distance X from the edge of the
emitter-base depletion region, we have

Pe(X) = Pe(0). (1.228)
where
Vee/Vr
DE(O) = Peg® o
N vy, (1.229)
= —e
Np

and where Vgg is the forward-bias voltage of the base-emitter junction.
At the edge of the base-emitter depletion region, the gradient of the hole concen-
tration in the emitter is found, using (1.228), to be

dpe(x 0
P)|  _ Pe(0) 1230
ax I, Ly
Using (1.229), we can rewrite this as
dp,(0 n;
pe( ) = _..._I_eVBE/VT (1231)
dx | _, LeNo
The hole current is now found using the diffusion equation
L dpe(x)
I, = AgqD,——— 1.232
pe eq o] dx o ( )

where Ag is the effective area of the emitter. Recall that the minority-hole current in
the emitter, Ipe, is closely equal to the base current, Ig. After combining (1.231) and
{(1.232), we obtain

_ Acq Dp"'i2 Vee Ve
L,Np

I = (1.233)
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The situation on the base side of the base-emitter junction is somewhat different.
The concentration of the minority carriers, in this case electrons that diffused from the
emitter, is given by a similar equation,

n?
n,(0) = —e (1.234)

However, the gradient of this concentration at the edge of the base-emitter depletion
region is calculated differently. This difference in gradient concemtration is due to the
close proximity of the collector-base junction, where the minority carrier (electron)
concentration, N,(W), must be zero. This zero concentration at the collector-base
junction occurs because any electrons diffusing to the edge of the collector-base
depletion region immediately drift across the junction to the collector, as stated previ-
ously. If the base “width” is much shorter than the diffusion length of electrons in the
base, L, then almost no electrons will recombine with base majority carriers (holes)
before they diffuse to the collector-base junction. Given this fact, the decrease in elec-
tron or minority concentration from the base-emitter junction to the collector-base L
Jjunction is a linear relationship decreasing from n,(0) at the emitter junction to zero at s
the coliector junction in distance W. This assumption ignores any recombination of ‘
electrons in the base as they travel to the collector, which is a reasonable assumption
for modem transistors that have very narrow bases. Thus, throughout the base region,

the gradient of the minority-carrier concentration is closely given by
dng(x)  ny(0)
dx w
2 (1.235)
_ n; eVaE/VT
WN,
Combining (1.235) with the diffusion equation, we obtain
dngy(0)
Inb = _AEan dx
(1.236)
_ AEannizeVBE/VT
~ WN,
Remembering that I, is closely equal to the collector current I, we have
Io = Iege ™" (1.237)
where
AEann‘r2
leg = ———— 1.238
cs WN, ( ) ;

The ratio of the collector current to the base current, commonly called the transistor
common-emitter current gain and denoted B, is found using (1.237), (1.238), and
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(1.233). We have
Ie _ DuNob, . Nol,
T 1g D NAW T TTNW

(1.239)

which is a constant independent of voltage and current. Noting that Np >> Ny, L, >
W, and D, = 2.5 D, we have B >> 1. A typical value- might be between 50 and
200. The derivation of B just presented ignores many second-order effects that make 3
somewhat current and voltage dependent and are beyond the scope of this book. Inter-
ested readers should see Roulston, 1990, for more details. Regardless of second-order
effects, equation (1.239) does reflect the approximate relationships among B, doping
levels, and base width, For example, (1.239) explains why heavily doped emitters are
important to achicve large current gain.

Base Charge Storage of an Active BJT

Figure 1.38 shows a minority-carrier storage in the base region, Qy, , given by

n,(0)W
Q, = Agq 3 (1.240)
Using (1.234) for n,(0), we have
Agqn’W
Q, = edn; eVEE/-YT (1.241)
2N,
This equation can be rewritten using (1.237) and (1.238) to obtain
W’
Q, = I = 1,1 1.242
b= 3p, ¢ e ( )
where 1, called the base-transit time constant, is given approximately by
W2
Ty = —— 1.243
® 2D, (1249

ignoring second-order effects, Normally, the base-transit time constant is specified for
a given technology and takes into account other charge-storage effects not considered
here, and is therefore often denoted T . However, since the base storage of electrons
dominates the other effects, we have 11 = T,

If the current in a BJT changes, the base charge storage must also change. This
change can be modelled by a diffusion capacitance, Cy, between the base and the
emitter terminals. Using (1.242), we have

de _ d(TbIC)

Cq = (1.244)

dVge  dVge
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Using (1.244) and I = I(;seVE'E/VT results in
Cd = Tb_ (1.245)

This equation is similar to that for a diode.
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1.9 PROBLEMS

Unless otherwise stated, assume the following hold throughout the problems
section:

* Room temperature = 300 °K
* npn bipolar transistors:

B = 100
Va=80V
Ty = 13 ps
Ts = 4 ns
ry = 330 Q

¢ n-channel MOS transistors:

UnCox = 92 HA/V?

Vi, =08V

¥ =05 v!72

Mgs (€) = SOOOL (um)/ ID (mA) in active region

Cj=24x10" pF/ (um)’

C, o =20x10" pF/um

Co=19x107 pF/(um)’

CgS(oveﬂap) = ng(ove;lap) = 20x10™ pF/pm
* p-channel MOS transistors:

upCD, = 30 pA/V?

V =09V

1/2

v=08YV
Fas (€2) = 12,000 L (um)/Ip (mA) in active region
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Cj=45x 10 pF/(um)

CJSW—ZSXIO pF/pum

Cox=19x10 pF/(p.m)

Cgs(overlap} = ng(ovenap) = 20x10° pF/p.m

Estimate the hole and electron concentrations in silicon doped with arsenic at a
3 o

concentration of 10°° atoms/m” ata temperature 22.°C above room tempera-

ture. [s the resulting material n type or p type?

For the pn junction of Example 1.2, does the built-in potential, @, increase or

decrease when the temperature is increased 11 °C above room temperature?

Calculate the amount of charge per ( l,un)2 in each of the n and p regions of the
pn junction of Example 1.2 for a 5-V reverse-bias voltage. How much charge
on each side would be presentina 10 pm x 10 pum diode?

A silicon diode has 1, = 12 ps and Cg = 15 fF. Tt is biased by a 43-k€2 resistor
connected between the cathode of the diode and the input signal, as shown in

Fig. P1.4. Initially, the input is 5 V, and then at time O it changes to 0 V. Esti-
mate the time it takes for the output voitage to change from 5 Vto 1.5V (ie,,
the At_;q, time). Repeat for an input voltage change from 0 V to 5 V and an

output voltage change from 0 Vito 3.5 V.

Fig. PY.4

Compare your answers for Problem 1.4 to those obtained using a SPICE simu-
lation.

Verify that when Vg = V44 is used in the triode equation for a MOS transis-
tor, the current equals that of the active region equation given in (1.67).

Find I for an n-channel trans1st0r having doping concentraticns of
ND—IO andNA—IO ‘withW = 50 um, L = 1.5 um,

Vgs = L.l V,and Vg = V4. Assuming A remains constant, estimate the
new value of Ip if Vg is increased by 0.3 V.

AMOS transistor in the active region is measured tohave adrain current of 20 pA
when Vg = V.. When Vg is increased by 0.5 V, Ip increases to 23 pA.
Estimate the output impedance, rg, and the output impedance constant, A .
Derive the low-frequency model parameters for an n channel transistor having

doping concentrations of Np = * and N A= = 107 with W = 10 pm,
L=12pum,Vgg = 1.1V, and VDS = Vg - Assume that Vgg = 1.0 V.
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1.10  Find the capacitances Cgg, Cyy, Cyy, and Cg, for a transistor having

1.11

1.12

1.13
1.14
1.15

W = 50 pm and L = 1.2 um. Assume that the source and drain junctions
extend 4 um beyond the gate, resulting in source and drain areas being

A, = Ay= 200 (um)? and the perimeter of each being P, = P, = 58 pm.
Consider the circuit shown in Fig. P1.11, where V,,, is adc signal of 1 V.
Taking into account only the channel charge storage, determine the final
value of V,; when the transistor is turned off, assuming half the channel
charge goestwo C| .

Y
Vin O I l O Vom
10 um/0.8 mm

= C_=1pF

Fig. P1.11

For the same circuit as in Problem 1.11. the input voltage has a step voltage
change at time 0 from 1 V to 1.2 V (the gate voltage remains at 5 V). Find its
99 percent settling time (the time it takes to settle to within | percent of the
total voltage change). You may ignore the body effect and all capacitances
except C . Also assume that V,, = V. Repeat the question for V;, chang-
ing from3 Vto 3.1 V. B

Repeat Problem 1.11, but now take into account the body effect on V,, .
For an npn transistor having Iz = 0.1 mA, calculate g, I, fe, oo and gl .

A bipolar junction transistor has the following SPICE parameters (the SPICE
name for the parameter is included in parentheses):
Ig(IS) = 2.0x 10"

Br (BF) = 100
Bs (BR) = 1
V4 (VA) = 50V

7 (TF) = 12x 107" s

15 (TR) = 4x 107 s
Cieo (CJE) = 15x10°°F
®, (VIE) = 09V

m, (MIE) = 0.27

Cyoo (CIC) = 181077 F
@, (VIC)y =07V

m, (MIC) = 037
Cp0(CIS) = 40x10 " F
@, (VIS) = 0.64 V

m, (MIS) = 0.29

R, (RE) = 30




1.16
1.17

1.9 Problems 81

R, (RB) = 500

R, (RC) = 90

Initially, the circuit shown in Fig. P1.15 has a 0-V input. At time 0 its input
changes to 5 V. Estimate the time it takes its output veltage to saturate, using the
concepts of average capacitance and first-order transient solutions for each node.
The time constants of the individual nodes can be added to arrive at an overall
time constant for the approximate first-order transient response of the circuit.
Next, assume that the input changes from 5 V to 0 V at time 0. How long does

it take the output voltage to change to 3.5 V?
VDD = 5 V

43 kQ

Fig. P1.15

Compare your answers to Problem 1.15 to_those obtained using SPICE.

Verify that for Igg >> Ig and Igg >> [ / B, Eq. (1.140) simplifies to Eq.
{1.139).




CHAPTER

‘ Processing and Layout

This chapter describes the steps and processes used in realizing modern integrated cir-
cuits. While emphasis is placed on CMOS processing. the technology required for
BIJT circuits is also described. After processing is presented, circuit layout is covered.
Layout is the design portion of integrated-circuit manufacturing, in which the geome-
try of circuit elements and wiring connections is defined. This process leads to the
development of photographic masks used in manufacturing a microcircuit. The con-
cepts of design rules and their relationship to microcircuits are emphasized. Next, cir-
cuit layout is related to the transistor models. Here, it is shown that once the layout is
completed, the values of certain elements in the transistor models can be determined.
This knowledge is necessary for accurate computer simulation of integrated circuits.
It is also shown that, by using typical design rules, one can make reasonable assump-
tions to approximate transistor parasitic components before the layout has been done.
Analog layout issues are then discussed, including matching and noise considerations.
Finally, this chapter concludes with a discussion of a destructive mechanism in
CMOS circuits known as latch-up.

2.1 CMOS PROCESSING

In this section, the basic steps involved in processing a CMOS microcircuit are pre-
sented. For illustrative purposes, we describe here an example n-well process (with,
of course, a p substrate) and two layers of metal. Although the list is not complete,
this section also describes many of the possible variations during processing.

The Silicon Wafer

The first step in realizing a microcircuit is to fabricate a defect-free, single-
crystalline, lightly doped wafer. To realize such a wafer. one starts by creating met-
allurgical-grade silicon through the use of a high-temperature chemical process in
an electrode-arc furmnace. Although metallurgical-grade silicon is about 98 percent
pure, it has far too many impurities for use in realizing microcircuits. Next, a silicon-
containing gas is formed and then reduced. Pure silicon is precipitated onto thin
rods of single-crystalline silicon. This deposited electronic-grade silicon is very pure

82
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but, unfortunately, it is also polycrystalline. To obtain single-crystalline silicon, the
silicon is melted once again and allowed to cool. As it cools, a single-crystalline
ingot is slowly pulled and turned from the molten silicon using the Czochralski
method. The Czochralski method starts with a seed of single crystal silicon, and the
pull rate and speed of rotation determine the diameter of the crystalline rod or ingot.
Typical diameters might be 10 to 20 ¢m (i.e., 4 to 8 inches) with lengths usually
longer than | meter. Producing a silicon ingot can take several days.

Normally, heavily doped silicon is added to the melt before the single-crystalline
ingot is pulled. After the doped silicon diffuses through the molten silicon, a lightly
doped silicon ingot results. In our example process, boron impurities would be added
to produce a P~ ingot.

The ingot is cut into wafers using a large diamond saw. A typical wafer might
have a thickness of about | mm. After the ingot is sawed into wafers, each wafer is
polished with Al,Oj, chemically etched to remove mechanically damaged material,
and then fine-polished again with SiO, particles in an aqueous solution of NaOH.

Very often, the company that produces the silicon wafers is not the same com-
pany that eventually patterns them into monolithic circuits. Sometimes, the surface of
the wafer might be doped more heavily, and a single-crystal epitaxial layer of the
opposite type might be grown over its surface before the wafer-manufacturing com-
pany delivers the waters to the processing company. This layered approach results in
an epitaxial wafer.

A starting wafer of p~ might be doped around the level of Ny = 2x 10%
donor/m”. Such a doping level would give a resisfivity of 1010 20 Q2 - em.

Photolithography and Well Definition

Phorolithography is a technique in which sefected portions of a silicon wafer can be
masked out so that some type of processing step can be applied to the remaining areas.
Although photolithography is used throughout the manufacturing of an integrated cir-
cuit, here we describe this photographic process in the context of preparing the wafer
for defining the well regions.’

Selective coverage for well definition is performed as follows. First, a glass mask,
M, is created, which defines where the well regions will be located. The glass mask is
created by covering the mask in photographic materials and exposing it to an electron
beam, or e beam, in the regions corresponding to the well locations. Such exposure
results in the well regions on the glass mask turning opaque, or dark. As a result, the
glass mask can be thought of as a negative of one layer of the microcircuit. In a typical
microcircuit process, ten to twenty different masks might be required. The typical cost
for these masks is currently around $50,000. Because a high degree of precision is
required in manufacturing these masks, often a company other than the processing

1. Wells are doped regions that will contain one of the two types of wransistors realized in a CMOS process.
Nowadays, wells are normally n type and contain p-channel transistors.
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Vertical and horizontal
deflection plates
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slit lens plates

Ion source

Fig. 2.3 An ion-implantation system.

rator bends the ion beam and sends it through a narrow slit. Since only ions of a spe-
cific mass pass through the slit, the beam is purified. Next, the beam is again focused
and accelerated to between 10 keV and 1 MeV. The ion current might range from
10 pA to 2 mA. The deflection plates sweep the beam across the wafer (which is
often rotated at the same time) and the acceleration potential controls how deeply the
ions are implanted. The beam current and time of implantation determine the amount
of dosage. Thus, depth and dosage are controlled independently. Two problems that
occur with ion implantation are lattice damage and a narrow doping profile. The lat-
tice damage is due to nuclear collisions that result in the displacement of substrate
atoms. The narrow profile results in a heavy~concentration over a narrow distance, as
is shown in Fig. 2.4. For example, arsenic ions with an acceleration voltage of
100 keV might penetrate approximately 0.06 pm into the silicon, with the majority of

Ion dopant
concentration

Before annealing

After annealing

S

>

Depth into
silicon wafer

Fig. 2.4 Dopant profiles affer ion implantation both before and
alter annealing.
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ions being at 0.06 um +0.02 um. Both of these problems are largely solved by
annealing.

Annealing is a step in which the wafer is heated to about 1,000 °C, perhaps for 15
to 30 minutes, and then allowed to cool slowly. This heating stage thermally vibrates
the atoms, which allows the bonds to reform. Annealing also broadens the concentra-
tion profile, making the doping levels more uniform, as shown in Fig. 2.4. It should be
noted that annealing is performed only once during processing, after all the implanta-
tion steps have been performed but before any metal layers have been created.’

For n-type dopants, arsenic is used for shallow implantations, such as the source
or drain junctions. Phosphorus might be used for the well. Boron is always used to
form the p regions.

Although more expensive, ion implantation has been largely replacing diffusion
for forming n and p regions because of its greater control over doping levels. Another
important advantage of ion implantation is the much smaller sideways diffusion,
which allows devices to be more closely spaced and, more importantly for MOS tran-
sistors, minimizes the overlap between the gate-source or gate-drain regions.

Chemical Vapor Deposition and Defining the Active Regions

The next few steps use the field-oxide mask, M,, to form the thick field-oxide as well
as the field implants (used to isolate devices). These steps result in a thin layer of ther-
mal SiQ,, as well as a layer of silicon nitride (SigN,), everywhere the field-oxide is
not desired.

Often, this step will be done using positive-photoresist such that, wherever the
mask M, is not opaque, the photoresist will be softened. In other words, the photore-
sist is left intact after the organic dissolution step, under the opaque regions of the
mask where the field-oxide is not desired. A thin layer of thermal SiQO, is first grown
everywhere to protect the surface of the silicon lattice.

Next, Si3N, is deposited everywhere during a gas-phase reaction in which energy
is supplied by heat (at about 850 °C). This process is called chemical vapor deposi-
tion, or CVD. After this step, the positive photoresist is deposited, exposed through
the mask, M,, dissolved, and hardened. The hardened photoresist is left on top of the
SizN, to protect it where the field-oxide is not desired. Next, the SigN,, wherever it is
not protected by the photoresist, is removed by etching it away with a hot phosphoric
acid. The SiO, is then removed with a hydrofluoric acid etch. Finally, the remaining
photoresist is chemically removed with a process that leaves the remaining SigN,
ihtact. The remaining SizN, will act as a mask to protect the active regions when the
thick field-oxide is being grown in the field-oxide regions.

Field-implants and the Field-Oxide

The next step in our example process is to implant the field-implants under where the
field-oxide will be grown. For example, boron will be implanted under the field-oxide

2. If annealing were done after deposition of a metal iayer, the metal would melt.
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Fig. 2.7 Cross section after the thin gate-oxide growth and threshold-adjust implant.

In a simple process, the threshold voltages of both the p- and n-channel transis-
tors are adjusted at the same time. We saw in the Appendix of Chapter 1 that the n-
channel transistors require a boron implant to change V, from its native value of
around —0.1 V to its desired value of 0.7 to 0.8 V. If the n wells are doped a little
heavier than ideal, the native threshold voltage of the p-channel transistors in the well
will be around —1.6 V. As a result, the same single boron threshold-adjust implant
will bring it to around —0.8 to —09 V.

By using a single threshold-voltage-adjust impliant for both n-channel and p -
channel transistors, two photoresist masking steps are eliminated. If the different
transistors are individually implanted, then the second of two types of transistors
has to be protected by, say, a negative photoresist while the first type is being
implanted. Next, a positive photoresist can be used with the same mask to protect
the first type of transistor while the second type is being implanted. The mask used
is normally the same mask used in forming the n wells, in other words, M;. Thus,
no additional mask is required, but a number of additional processing steps are
needed. The major problem with using a single threshold-adjust implant is that the
doping level of the n well is higher than optimum. This higher doping level
increases the junction capacitances and the body effect of the transistors in the well.
A double threshold adjust allows optimum well doping. Both approaches are cur-
rently in commercial use, although the double threshold-adjust implant is growing
in favor as device dimensions decrease. The cross section at this stage is shown in
Fig. 2.7.

Polysilicon Gate Formation

The next step in the process is the chemical deposition of the polysilicon gate mate-
rial. One méthod to create polysilicon is to heat a water with silane gas flowing over it
so the following reaction occurs

SiH, — Si+2H, (2.3)
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ately low temperatures of 500 °C or lower. The deposited SiO, might be (.25 to
0.5 um.

The next step is to open contact holes through the deposited SiO,. The contact
holes are defined using mask My and positive resist PR;.

Annecling, Depositing and Patterning Metal, and Overglass Deposition

After the first layer of CVD SiO, has been deposited, the wafer is annealed. As men-
tioned earlier in this section, annealing entails heating the wafer in an inert gas (such
as nitrogen) for some period of time (say, 15 to 30 minutes) at temperatures up to
1,000 °C. The resulting thermal vibrations heal the lattice damage sustained during all
the ion implantations, broaden the concentration profiles of the implanted dopants,
and increase the density of the deposited SiQ,.

Next, interconnect metal is deposited everywhere. Historically, aluminum (Al)
has heen used for the interconnect. However, recently other metals have been used
that have less of a tendency 1o diffuse into the silicon during electrical operation of the
microcircuit. The metal is deposited using evaporation techniques in a vacuum. The
heat required for evaporation is normally produced by using electron-beam bombard-
ing, or possibly ion bombarding in a sputtering system. After the metal is deposited on
the entire wafer, it is patterned using mask M, and positive photoresist PR;, and then
it is etched.

At this time, a low-temperature annealing might take place to give better bonds
between the metal and the silicon. The temperature of this annealing must be less than
550 °C so the aluminum doesn’t melt. -

Next, an additional layer of CVD SiO, is deposited, additional contact holes are
formed using mask M, and photoresist PR, and then a second layer of metal is depos-
ited and etched using mask Mg and photoresist PR;,. Often the primary use of this top
layer of metal might be to distribute the power supply voltages. The botton layer
would be used more often for local interconnects in gates. In some modemn processes,
this process is repeated a third and possibly a fourth time to give up to four levels of
metal, which allow for much denser interconnect.

After the last level of metal is deposited, a final passivation, or overglass, is
deposited for protection. This layer would be CVD SiO,, although often an additional
layer of SigN, might be deposited because it is more impervious to moisture.

The final microcircuit processing step is to etch openings to the pads used for
wire bonding. This final step would use mask M, and photoresist PR ;. A cross sec-
tion of the final microcircuit for our example process is shown in Fig. 2.11.

This example process is a fairly representative CMOS process. However, many
variations, often involving additional masks, are possible. Some of the possible varia-
tions are as follows:

1. Two wells may exist—one for p-channel transistors and one for n-channel
transistors. This nwin-tub process allows both wells to be optimally doped.

2. An additiona! polysilicon layer may be deposited over the first layer. This
extra poly layer can be used to realize highly linear poly-to-poly capacitors
in which a thin thermal oxide is used to separate the two layers.
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SiO,, perhaps 0.5 pm in thickness, leaving an opening over the active area of the tran-
sistor. This SiO, spacer, which separates the base polysilicon from the emitter poly-
silicon, as shown in Fig. 2.12, allows the base polysilicon (or contact) to be very close
to the emitter polysilicon (or contact), thereby minimizing the base resistance. Next,
the base is ion-implanted to p -type silicon, and then n” polysilicon is deposited for the
emitter. At this point, the true emitter has not yet been formed-—-only the emitter n*
polysilicon has been laid down. However, when the wafer is annealed, the n” from the
emitter polysilicon diffuses into the base p silicon to form the true emitter region. Dur-
ing annealing, the p” dopants from the base polysilicon also diffuse into the extrinsic :
base region. As a result, this procedure results in a self-aligned process since the use of
the Si0O, spacer allows the base polysilicon to determine where the emitter is finally :
located. The importance of this process is that, through the use of self-aligned contacts
and field-oxide isolation, very small, high-frequency bipolar transistors can be realized
using methods similar to those used in realizing modern MOS transistors.

2.3 CMOS LAYOUT AND DESIGN RULES

It is the designer’s responsibility to determine the geometry of the various masks
required during processing. The process of defining the geometry of these masks is
known as layout and is done using a computer and a CAD program. Here, we describe
some typical layout design rules and the reasons for these rules.

When designing the layout, typically the designer does not need to produce the ;
geometry for all of the masks because some of the.masks are automatically produced
by the layout program. For example. the p* and n" masks used for the source and
drain regions are usually generated automatically. Also, the program might allow the
designer to work in the final desired dimensions. The layout program then automati-
cally sizes the masks to account for any lateral diffusion or etching loss; this sizing
produces larger- or smaller-dimension masks. For example, a designer might draw a
polysilicon line so that a transistor would have a 1.2-Jum length. The program might
then produce a mask that had a 1.6-pm line width. This increased mask sizing would
account for the junction overlap due to lateral diffusion and the polysilicon loss due to
etching.

[n a modemn layout program, the layout of some circuit cefls might already be per-
formed and stored in a library. During overall layout, these cells are then parametri-
cally adapted to a required size, and the corresponding geometries for every layer are
automatically generated. Often. when the cells are being connected, they might be
automatically placed and routed. or connected. by the program. The designer might
then interactively modify this automatically generated layout. Thus, as time goes on,
the layout becomes more automated as more cells become available. However, the
designer must still take direct control of the layout of critical cells, especially when
the layout must be small or the resulting circuits must be fast. For example, one would
rarely allow a computer to automatically generate the layout of a memory cell where
space and capacitive loading of the connecting buses are critical. Thus, a digital
microcircuit designer must be knowledgeable about the design rules that govern the
layout required for the process used.

oy
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masks might be laid out as shown in Fig. 2.15(b). Notice that a single junction is
shared between transistors Q, and Q,. The area, and especially the perimeter of this
junction, are much smaller than those given by equations (2.4) and (2.5). Also, in a
SPICE simulation, the area and perimeter should be divided by 2 when they are spec-
ified in each transistor description, since the junction is shared. Alternatively, all of
the area and perimeter could be specified in one transistor description, and the area
and perimeter of the other junction could be specified as zero.

Since the junction sidewall capacitance is directly proportional to the junction
penimeter, and since this capacitance can be a major part of the total junction capaci-
tance (because of the heavily doped field-implants), minimizing the perimeter is
important. It is of interest to note that as transistor dimensions shrink, the ratio of the
perimeter to the area increases and the sidewall capacitance becomes more important.

EXAMPLE 2.1
Assuming A = 0.5 pm, find the area and perimeters of junctions J, J», and J,
for the circuit in Fig. 2.15.
Solution

Since the width and length are shown as 10& and 2A, respectively, and A =
0.5 um, the physical sizesare W = S ymand L = | pum.
Thus, for junction J, using the formulas of (2.4) and (2.5), we have
A, =5AW = 5(0.5)5(um)2= = 12.5(um)2 (2.6)
and
P,, = 10A+W = [1{(0.5}+ 5] pm = 10 um 2.7

Since this junction is connected to ground, its parasitic capacitance is unimpor-
tant and little has been done to minimize its area. Contrast this case with junc-
tion J,, where we have

A,

2AW + 1227
W+ 12(0.5) (2.8)
S(um)2

The perimeter is unchanged, resulting in P,, = 10 pum. Thus, we have
decreased the junction area by using the fact that the transistor is much wider
than the single contact used. However, sometimes wide transistors require
additional contacts to minimize the contact impedance. For example, the two
contacts used for junction J, result in roughly half the contact impedance of
junction J,.

Next, consider the shared junction. Here we have a junction area given by

AJ3 = Z}LW
= 5(um)’

2.9
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Since this is a shared junction, in a SPICE simulation we would use
A, = Ay = AW
= 2.5(um)”

for each of the two transistors, which is much less than 12.5 ( pm)2 . The reduc-
tion in the perimeter is even more substantial. Here we have

PJ3 =4A,
=2 um

(2.10)

(2.11)

for the shared junction; so sharing this perimeter value over the two transistors
would result in
PS = Pd = 2}\,
(2.12)
=1 um
for the appropriate junction of each transistor when simulating it in SPICE. This
result is much less than the 10-um perimeter for node J,.

Because minimizing the junction capacitance is so important, one of the first
steps an experienced designer takes before laying out important high-speed cells is
first to identify the most critical nodes and then to investigate possible layouts that
minimize the junction capacitance of these nodes.*

An additional design rule has been implicitly iptroduced in the previous example.
Notice that for junction J, in Fig. 2.15, part of the active region boundary is only 24
away from the gate. This minimum junction area is the typical design rule for this
case.

Several design rules are required in addition to those just mentioned. Some of
these are described next, with reference 1o the layout of a digital inverter, shown in
Fig. 2.16. Notice that the n well surrounds the p-channel active region, and there-
fore the p~ junctions of the p-channel transistors, by at least 3A. Notice also that
the minimum spacing between the n well and the junctions of nN-channel transistors,
in the substrate, is SA. This large spacing is required because of the large lateral dif-
fusion of the n well and the fact that if the n-channel junction became short-cir-
cuited to the n well, which is connected to Vpp, the circuit would not work.
Conversely, a p’-substrate tie can be much closer to a well because it is always con-
nected to ground and is separated from the well by a reverse-biased junction, A typi-
cal dimension here might be 2A. Since a p-channel junction must be inside the well
by at least 3A and an Nn-channel junction must be outside the well by 34, the closest
an nN-channel transistor can be placed to a p-channel transistor is 8A.

Notice in Fig. 2.16 that metal is used to connect the junctions of the p-channel
and n -channel transistors. Normally, the metal must overlap any underlying contacts

4, Note that it is not possible to share junctions between n-channel and p-channe! transistors. This limita-
tion is one of the reasens for the larger parasitic capacitances sometimes encountered in CMOS microcir-
cuits as opposed to NMOS microcircuits. where only n-channel transistors are used.
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butting contact was used to connect the n-channel source to a p+ -substrate tie, and
both will be connected to ground. In a typical set of design rules, a maximum distance
between transistors and well (or substrate) ties is specified, and a maximum distance
between substrate ties is also specified. For example, the rules might specify that no
transistor can be more than 100A from a substrate tie. These rules are necessary to pre-
vent latch-up, a phenomenon described at the end of this chapter.

As a final example, we describe the layout of a large transistor. Normally, a wide
transistor is composed of smaller transistors connected in parallel. A simplified layout
of this approach is shown in Fig. 2.17(a), where four transistors that have a common
gate are connected in parallel. Figure 2.17(b) shows the circuit corresponding to the
layout in Fig. 2.17(a), where the transistors have been drawn in the same relative
positions. Figure 2.17(c) shows the same circuit redrawn differently, where it is clear
that the circuit consists of four transistors connected in parallel. Notice that the second
and fourth junction regions are connected by metal to node 1, whereas the first, third,
and fifth junction regions are connected by metal to realize node 2. Because it has a
larger total junction area and especially a larger perimeter, node 2 will have a much
greater junction capacitance than node 1. Thus, when the equivalent transistor is con-
nected to a circuit, node I should be connected to the more critical node. Alse notice
the large number of contacts used to minimize the contact impedance. Normally,
some of these are butting contacts if either node 1 or node 2 is connected to an appro-
priate power supply. The use of many contacts in wide junction regions greatly mini-
mizes voltage drops that would otherwise occur due to the relatively high resistivity
of silicon junctions compared to the resistivity of the metal that overlays the junctions
and connects them.> =

Design rules also specify the minimum pitch between polysilicon interconnects,
metal 1 interconnects, and metal 2 interconnects. These might be 2\, 2, and 32,
respectively. Metal 2 requires a larger minimum pitch because it resides further from
the silicon surface where the topography is less even. The minimum widths of poly,
metai 1, and metal 2 might also be 2X, 2), and 3A, respectively.

This concludes our brief introduction to layout and design rules. In a modern pro-
cess, many more design rules are used than those just described. However, the reasons
for using and the methods of applying these rules is similar to that which has been
described. Finally, note that when one does modern microcircuit layout, the design
rules are usually available to the layout program and are automatically checked as lay-
out progresses.

EXAMPLE 2.2

Consider the transistor shown in Fig. 2.17, where the total width of the five par-
allel transistors is 804, its length is 2A, and A = 0.5 pm. Assuming node 2 is
the source, node 1 is the drain, and the device is in the active region, find the

5. The use of metal to overlay a higher-resistivity interconnect, such as polysilicon or heavily-doped sili-
con, is recommended to lower the resistivity of the interconnect.
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source-bulk and drain-bulk capacitances given the parameters C; =

24107 pF/(um)’ and Cj 4, = 2.0x 10 pF/pm. Also find the equiva-
lent capacitances if the transistor were realized as a single device with source
and drain contacts still evenly placed.

Solution

Starting with node 1, the drain, we find that the areas of the junctions are equal to

Ay, = Ay, = 6L x 20K = 1200° = 30 (um)’
Ignoring the gate side, the perimeters are given by

P, =Py =6L+61 = 124 = 6 um
As aresult, Cy,, can be estimated to be
Cao = 2(A;,C+P;,Clq) = 0017 pF

For node 2, the source, we have

Ay, = Ay = SAx20h = 100%" = 25 (um)°
and

Ay, = Ay, = 30 (um)

The perimeters are found to be

Py =Py = 5SA+5A+20A = 30A = 15 um
and

Pys = Pi =%um
resulting in an estimate for Cg, of
Cep = (A + A+ A+ WLC + (P + P 3 + PGy g, = 0.036 pF

It should be noted that, even without the additional capacitance due to the WL
gate area, node 1 has less capacitance than node 2 since it has less area and
perimeter.

In the case where the transistor is a single wide device, rather than four tran-
sistors in parallel, we find

A, = SAx80A = 400A° = 100 (um)’
and
P, = 504+ 5L +80% = 90\ = 45 um

resulting in Cy, = 0.033 pF and C,, = 0.043 pF. Note that in this case, Cy,
is nearly twice what it is when four parallel transistors are used.

2.4 ANALOG LAYOUT CONSIDERATIONS

When one designs analog circuits, several important layout issues should be consid-
ered to realize high-quality circuits. These issues can be broadly divided into two cat-
egories—matching and noise issues.
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Each of the two transistors is composed of five separate transistor fingers connected
in parallel. The outside fingers have separate second-order size effects, and therefore
one outside finger is used for M, and one is used for M,. Inside the structure, the fin-
gers occur in doubles—two for M,, two for M|, two for M,, and so on. Thus, the lay-
out is symmetric in both the X and y axes, and any gradients across the microcircuit
would affect both M, and M, in the same way. This layout technique greatly mini-
mizes nonidealities such as opamp input-offset voltage errors when using a differen-
tial pair in the input stage of an opamp.

When current mirrors with ratios other than unity are required, again, each of the
individual transistors should be realized from a single unit-sized transistor. For exam-
ple, if a current ratio of 1:2 were desired, then the input transistor might be made from
four fingers, whereas the output transistor might be realized using eight identical fin-
gers. In addition, for the greatest accuracy, all fingers should be inside fingers only.
Outside, or dummy, fingers would only be included for better matching accuracy and
would have no other function. The gates of these dummy fingers are normally con- s
nected to the most negative power-supply voltage to ensure they are always turned oft
(or they are connected to the positive power supply in the case of p-channel transistors}.

Capacitor Matching

Very often, analog circuits require precise ratios of capacitors. Ideally, capacitor size
is given by
E’GX B
C = —A =Cxy, (2.13)
ox

The major sources of errors in realizing capacitors are due to overetching (which
causes the area to be smaller than the area of the layout masks) and an oxide-thickness
gradient across the surface of the microcircuit. The former effect is usually dominant
and can be minimized by realizing larger capacitors from a parallel combination of
smaller, unit-sized capacitors, similar to what is usually done for transistors. For exam-
ple, to realize two capacitors that have a ratio of 4:6, the first capacitor might be real-
ized from four unit-sized capacitors, whereas the second capacitor might be realized
by six unit-sized capacitors. Errors due to the gradient of the oxide thickness can then
be minimized by interspersing the unit-sized capacitors in a common-centroid layout
so the gradient changes affect both capacitors in the same way. Since oxide-thickness
variations are not usually large in a reasonably small area, this common-centroid lay-
out is not typically used except where very accurate capacitors are required.

If only unit-sized capacitors are used, then any overetching will leave the capaci-
tor ratio unaffected. Thus, good designers strive to realize circuits in which only unit-
sized capacitors are needed. Unfortunately, this situation is not always possible. When
it is not, overetching error can still be minimized by realizing a nonunit-sized capaci-
tor with a specific perimeter-to-area ratio. To determine the correct ratio, first note
that the error due to overetching is roughly proportional to the perimeter of the capac-
itor. Specifically, if we assume that a capacitor has an absolute overetching given by
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Ae and that its ideal dimensions are given by X, and ¥, then its true dimensions are
givenby X,, = X, —2Ae and ¥,, = ¥, - 2Ae, and the true capacitor size is given by

Ca = CoxXja¥ia = Couulx, - 2Ae)(y, - 2Ae) (2.14)

This situation is illustrated in Fig. 2.20. Thus, the error in the true capacitance is given
by

AC, = CX,a¥1a— CoxX1¥) = Coxl-2A8(X, +Y,) +4Ae?] (2.15)

When this error is small, then the second-order error term can be ignored and (2.15)
can be approximated by

AC, = —2Ae(x; +¥,)Cux (2.16)
The relative error in the capacitor is therefore given by
AC —2Ae(x, +
e = L. (X, +Yy) @217
Cigeal XY

Thus. the relative capacitor error is approximately proportional to the negative of the
ratio of the ideal perimeter to the ideal area (assuming only small errors exist, which is
reasonable since, if the errors were not small, then that capacitor sizing would proba-
bly not be used). When we realize two capacitors that have different sizes, usually the
ratio of one capacitor to the other is important, rather than their absolute sizes. This
ratio is given by

Ca Cl+gy)
Cia Ca(l+ey

If the two capacitors have the same relative errors (i.e., €, = € ), then their true
ratio is equal to their ideal ratio even when they are not the same sizes. Using (2.17),
we see that the relative errors are the same if they both have the same perimeter-to-
area ratio. This leads to the following result: To minimize errors in capacitor ratios
due to overetching, their perimeter-to-area ratios should be kept the same, even when
the capacitors are different sizes.

Normally, the unit-sized capacitor will be taken square. When a non-unit-sized
capacitor is required, it is usuallv set 10 between one and two times the unit-sized
capacitor and is rectangular in shape, so that it has the same number of corners as

(2.18)

«— N —»

¢ x,-2Ae ? T
Y, — 2Ae ¥4
. |
Ae »
T

True capacitor size . .
Ae \ P Fig. 2.20 Capacitor errors due fo over
Ideal capacitor size etching.
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the unit-sized capacitor. Defining K to be a desired non-unit-sized capacitor ratio, we
have

= 93 = 52 _ XY (2.19)

Cl Al X%

where C, A,, and X, represent the capacitance, area, and side-length of a unit-sized
capacitor, respectively. Variables C,, A,, X,, and y, are similarly defined, except this
non-unit-sized capacitor is now rectangular. Equating the ratios of the perimeters-to-
areas implies that i

P, P
—= = {2.20)
A, A :
where P, and P, represent the perimeters of the two capacitors. Rearranging (2.20), i
we have
P A
2-2_K (2.21)
P A
which implies that K can also be written as the ratio of perimeters,
Xyt
R L (2.22)
2%,
This can be rearranged to become
X, +Y, = 2KX, (2.23)
Also rearranging (2.19), we have
Kxf
X, = — (2.24)
Y2
Combining (2.23) and (2.24), we find the quadratic equation
Yo 2Kx,y, + Kx: = 0 (2.25)
which can be solved to give
¥, = X, (Kt JK2-K) (2.26)
Recall that K is assumed to be greater than one, which ensures that the square root in
(2.26) is applied to a positive number. The value for X, is then given by (2.24).
EXAMPLE 2.3

Show a layout that might be used to match two capacitors of size 4 and 2.314
units, where a unit-sized capacitor is 10 dm x 10 pm .
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10 um 10 pm

= | e
19.6 um
N

4 units 2.314 units

Fig. 2.21 A capacitor layout with equal perimetertoarea
ratios of 4 units and 2.3 14 units.

Solution

Four units are simply laid out as four unit-sized capacitors in parallel. We break
the 2.314-unit capacitor up into one unit-sized capacitor in parallel with another
rectangular capacitor of size 1.314 units. The lengths of the sides for this rectan-
gular capacitor are found from (2.26), resulting in

y, = 10um(1.314i 1.3142-1.314) = 19.56 um or 6.717 um

Either of these results can be chosen for y,, and the other result becomes X,; in
other words, the choice of sign affects only the rectangle orientation. Thus, we
have the capacitor layout as shown in Fig. 2.21 Note that the ratio of the area of
the rectangular capacitor to its perimeter equals 2.5, which is the same as the
ratio for the unit-sized capacitor. -

Several other considerations should be followed when realizing accurate capaci-
tor ratios. Usually the bottom plate of capacitors will be the first layer of polysili-
con or, in some technologies, an ion-implanted region. This region is usually
common to many unit-size capacitors.® The interconnection of the top plates, which
are almost always polysilicon, can often be done in first-level metal with contacts to
the polysilicon plates. In some technologies this is not possibie, and the polysilicon
plates must be interconnected through polysilicon tabs at the sides. These tabs will
contact to metal in a region where the bottom-plate polysilicon is not present. The
parasitic capacitances of these tabs should be matched as much as possible. This
matching often entails adding additional tabs that are not connected anywhere.
Another common matching technique is to ensure that the boundary conditions
around the unit-sized capacitors match. This boundary-condition matching is accom-
plished by adding additional top-plate polysilicon around the outside boundaries of
unit-sized capacitors at the edge of an array. Many of these principles are illustrated
in the simplified layout of two capacitors shown in Fig. 2.22. Each capacitor in the

6. It is usualty possible to realize the bottom plate over the top of a well region that has many contacts con-
necied to a low-noise power-supply voltage. This well region acts as a shield to help keep substrate noise
out of the bottom plate of the capacitor.
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cially for larger resistivities) with values as large as 1,000 to 3,000 ppm/°C. On the
other hand, the temperature coefficient for thin-film resistors can be as small as 100
ppmy/°C. Polysilicon resistors usually have large positive temperature coefficients
(say, 1,000 ppmv/°C) for low-resistivity polysilicon ranging to moderately large, nega-
tive temperature coefficients for specially doped, high-resistivity polysilicon. The
positive temperature coefficients are primarily due to mobility degradation that results
from temperature increases. In implanted and diffused resistors, nonlinear resistance
varies greatly with voltage because the depletion-region width is dependent on volt-
age in the more heavily doped conductive region. This depletion-region width varia-
tion is substantially smaller in a polysilicon resistor, which is one of the major reasons
polysilicon resistors are preferred over implanted resistors even though they often
require more area due to the low resistivity. When thin-film resistors are available in a
particular technology, they are almost always the preferred type—unfortunately, they
are seldom available.

Regardless of the type of resistor used, the equations governing the resistance
{(see the Appendix of Chapter 1) are given by

Ry =P (2.27)

where R is the resistance per square, p = 1/(qu,Np) is the resistivity,” t is the
thickness of the conductor, and Ny is the concentration of carriers, which we assume
are electrons. The total resistance is then given by

R = VLVRG ) (2.28)
where L is the length of the resistor and W is the width of the resistor.

Often, the typical resistivity encountered in integrated circuits is small. For
example, the typical resistivity of the polysilicon layer used to form transistor gates
is about 2 Q /. Polysilicon is the layer most commoenly used to form resistors
inside microcircuits.® To obtain medium-sized resistors, one must usually use a ser-
pentine layout similar to that shown in Fig. 2.23. When calculating the resistance of
such a structure, one must make allowance for the bends and for the end contacts.
For example, the contact structure chosen contributes 0.14 squares [Reinhard, 1987,
Grebene, 1984], and each bend contributes 2.11 squares® [Glasser, 1977]. For the
structure shown, each tinger contributes 10 squares each for a total of 70 squares, the
two contacts contribute 0.28 squares, and the six bends contribute 12,66 squares.
Thus, the total is 82.94 squares. If the resistivity of the resistor is 20 Q/[1, then the
total resistance is

R = 8294 0 x 20 Q/0 = 1.659 kQ (2.29)

7. This equation is valid for resistors with electron carriers. For resistors with holes as carriers,

p = L/{au,N,).

8. In a modern process, where the gates are formed from a sandwich of a refractory metal over polysilicon,
i.e., a polycide, or silicide, then the resistivity is much smaller, perhaps 1-5 £/, and the gate layer is not
useful for realizing moderate-sized resistors.

9. If the bends had been semicircular rather than square. they would have contributed 2.6 [ each.
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used. The resistor consists of several fingers connected at their ends using low-resis-
tivity metal. This approach matches errors caused by the contact impedance between
R, and R,. Also, two dummy fingers have been included to match boundary condi-
tions. This structure might result in about 0.1 percent matching accuracy of identical
resistors if the finger widths are relatively wide (say, 10 um in a 0.8-pum technology).

As with integrated capacitors, it is a good idea to place a shield under a resistor
that is connected to a clean power supply. An appropriate shield might be a well
region. This shielding heips keep substrate noise from being injected into the conduc-
tive layer. (Noise is due to capacitive coupling between the substrate and a large resis-
tor structure.) Also, the parasitic capacitance between the resistor and the shield
should be modelled during simulation. Its second-order effects on circuits such as RC
filters can often be eliminated using optimization, which is available in many SPICE-
like simulators. For low-noise designs, a metal shield over the top of a resistor may
also be necessary, although it will result in a corresponding increase in capacitance.

For more information on reahizing accurate resistor ratios, the reader is referred to
[O’Leary, 1991; Maloberti, 1994],

Noise Considerations

Some additional layout issues help minimize noise in analog circuits, Most of these
issues either attempt to minimize noise from digital circuits coupling inio the sub-
strate or analog power supplies, or try to minimize substrate noise that affects analog
circuits. -

With analog circuits, it is ¢ritical that different power-supply connections be used
for analog circuits than for digital circuits. Ideally, these duplicate power supplies are
connected only off the chip. Where a single /O pin must be used for the power supply,
it is still possible to use two different bonding wires extending from a single-package
I/O pin to two separate bonding pads on the integrated circuit. At a very minimum,
even if a single bonding pad is used for both analog and digital circuitry, two separated
nets from the bonding pad out should be used for the different types of circuitry, as
Fig. 2.25 shows. The reason the power-supply interconnects must be separated is that
the interconnect does not have zero impedance. Every time a digital gate or buffer
changes state, a glitch is injected on the digital power supply and in the surrounding
substrate. By having the analog power supplies separate, we prevent this noise from
affecting the analog circuitry. In the ideal case, separate pins are used for the positive
power supply and for ground in both the digital and analog circuits. In addition,
another pair of pins may be used for the supply voltage and ground for digital output
buffers, which can inject very large current spikes. Finally, sometimes multiple pins
are used for additional supply and grounds for very large microcircuits.

Another common precaution is to lay out the digital and analog circuitry in dif-
ferent sections of the microcircuit. The two sections should be separated by guard
rings and wells connected to the power-supply voltages, as Fig. 2.26 shows. The p*
connections to ground help keep a low-impedance path between the substrate and
ground. For modeiling purposes, the substrate can be modelled as a number of series-
connected resistors with the p~ ground connections modelled as resistor-dividers
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I/O pad

Ahalog power-supply net Digital power-supply net

Fig. 2.25 Using separate nets for analog ond digital power supplies.

having a small impedance to ground. These low-impedance ground connections help -
keep substrate noise from propagating through the resistive substrate. The use of the
n well between p* connections helps to further increase the resistive impedance of
the substrate between the analog and digital regions due to graded substrate doping.
Specifically. the p substrate often has 10 times higher doping at the surface of the
microcircuit compared to the doping level below the n well, which leads to a tenfold
increase in substrate resistivity between the twa p* connections. Finally, the n well
also operates as a bypass capacitor to help lower the noise on V.

Another important consideration when laying out a circuit that includes both ana-
log and digital circuits is the use of shields connected to either ground or to a separate
power-supply voltage. Figure 2.27 shows examples of the use of shields. In this exam-
ple, an n well is used to shicld the substrate from the digital interconnect line. The
well 1s also used to shield an analog interconnect line from any substrate noise. This

Analog D|g|ta|

Feglﬂﬂ region
n well

—|— Depletion region
M acts as bypass

capacitor

p substrate

Fig. 2.26 Separating analeg and digital areas with guard rings and wells in
an attempt fo minimize the injection of noise from digital circuits into the sub-
strate under the analog circuit.













120  Chapter 2 * Processing and Layout

loop gain is larger than unity, and as a result, the voltages are approximately those
shown in Fig. 2.30(b). This turned-on SCR effectively places a short-circuit across the
power-supply voltage and pulls Vpp, down to approximately 0.9 V. If the power sup-
ply does not have a current limit, then excessive current will flow and some portion of
the microcircuit may be destroyed.

Latch-up can be triggered in several ways. For example, the output of the
CMOS inverter, V,,, in Fig. 2.29, is capacitively coupled to the bases of the bipolar
transistors by the junction depletion capacitances of the MOS drains. If the inverter
is large (as in the case of an output buffer), these capacitances will be large. When
the output of the inverter changes, glitches will be capacitively coupled to the base
nodes of the parasitic bipolars and may cause latch-up. Alternatively, substrate cur-
rents caused by hot-carrier etectrons can also result in voltage drops large enough to
trigger latch-up.

To prevent latch-up, the loop gain of the cross-coupled bipolar inverters must be
kept less than unity. This low loop gain is normally achieved by keeping the current
gains of the parasitic bipolars as low as is possible, and most importantly, by keep-
ing shunting resistors R, and R, as small as possible. The current gain of the verti-
cal pnp, Q,, might be 50 to 100 and is difficult to minimize. The current gain of the
lateral npn can be decreased by larger spacings between n-channel and p-channel
transistors. However, with typically used spacings, the product Bn,,B,np is still nor-
mally greater than 1. The loop gain is kept less than unity primarily by decreasing
R, andR,, .

R, and R, are decreased mainly by having low-impedance paths between the
substrate and well to the power supplies. One way to achieve these low-impedance
paths is to have many contacts to the substrate. For example, with an n-well tech-
nology, the design rules normally specify a maximum distance between any place in
the n-channel region of the microcircuit and the closest p* junction, which con-
nects the substrate to ground. Similarly, in the p-channel regions, the maximum dis-
tance to the nearest N* junction, which connects the n wells to Vo, is specified.
Also, after layout is completed, a good designer fills any unused areas with extra
connections to the substrate and well regions. In addition, any transistors that con-
duct large currents are usually surrounded by guard rings. These guard rings are
connections to the substrate for n-channel transistors, or to the n well for p-channel
transistors, that completely surround the high-current transistors. Also, ensuring that
the back of the die is connected to ground through a eutectic gold bond to the pack-
age header is helpful. :

One of the best ways of preventing latch-up is to use an epitaxial process, espe-
cially one with highly doped buried layers. For example, if a p* substrate has a p~
epitaxial layer in which the transistors are placed, device performance is only margin-
ally affected, but the highly conductive p* substrate has very little impedance to
ground contacts and to the package header. Alternatively, one might use a p~ sub-
strate that has n" - and p-buried regions and an intrinsic epitaxial region that is sepa-
rately and optimally ion implanted to form the n-channel and p-channel regions. This
self-aligned twin-tub technology is very immune to latch-up due to the highly con-
ductive buried layers,
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2.7 PROBLEMS

Unless otherwise stated, assume the following hold throughout the problems section:

* npn bipolar transistors:

B = 100
Vao=80V
T, = 13 ps
T, = 4 ns
r, = 330 Q

* n-channel MQS transistors:
WaCou = 92 pA/V?
Vipn =08V
y=05Vv"?
fgs () = 8, OOOL (pm)/Ip (mA} in active region
C,=24x10" pF/(um)2
Cl ow = 2.0% 10 pF/um
Cox=19x10" pF/(um)
Cgs(ovedap) - ng(overlap) = 2.0x 10 pF/llm
+ p-channel MOS transistors:
PoCox = 30 pA/V?
Vip =09V
vy =08V
lgs () = 12,000L (um)/Ip (mA) in active region
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2.17

Repeat Problem 2.16 for the case in which the resistive line is laid out in a ser-
pentine manner, as shown in Fig. 2.23, where enough bends are used such that
a line drawn along the middle of the serpentine resistor has length 1,000 um

(the last finger length might be short). What is the resulting height and width of
the overall resistor layout?




CHAPTER

3

Basic Current Mirrors
and Single-Stage
Amplifiers

In this chapter, fundamental building blocks are described. These blocks include a
variety of current mirrors, single-stage amplifiers with active loads, and differential
pairs. A good knowledge of these building blocks is critical to understanding many
subjects in the rest of this book and for analog IC design in general, Although some
bipolar circuits are described, CMOS mirrors and gain stages are emphasized because
modern designs mostly make use of CMOS technology. Fortunately, most of the
small-signal analyses presented can be applied to bipolar circuits with little change. In
addition, rather than using resistive loads and ac coupling, the gain stages covered are
shown with current-mirror active loads since such loads are almost always used in
integrated circuits. Finally, single-transistor amplifiers are described here for com-
pleteness, although it is assumed that most readers dre already somewhat familiar with
them.

3.1 SIMPLE CMOS CURRENT MIRROR

A simple CMOS current mirror is shown in Fig. 3.1, in which it is assumed that both
transistors are in the active region. If the finite output impedances of the transistors
are ignored, and it is assumed tHat both transistors are the same size, then Q, and Q,
will have the same current since they both have the same gate-source voltage, Vs
However, when finite output impedance is considered, whichever transistor has a
larger drain-source voltage will also have a larger current. In addition, the finite out-
put impedance of the transistors will cause the small-signal output impedance of the
current mirror, that is, the small-signal impedance looking into the drain of Q,, to be
less than infinite. To find the output impedance of the current mirror, r,, the small-
signal circuit is analyzed after placing a signal source, v,, at the output node. Then by
definition, r,, is given by the ratio v, /i,, where i, is the current flowing out of the
source and into the drain of Q..

Before finding r,,, consider the small-signal model for Q, alone, as shown in
Fig. 3.2(a). Note that Q, is diode connected (i.e., its drain and gate are connected)
and that I;, does not exist in the small-signal model; I, was replaced with an open

125
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Iin |l Ioul
Vi | r

out

g s

R

= = Fig. 3.1 A simple CMOS current mirror.

(b}

Fig. 3.2 (a) The smallsignal model for Q, and {b} the equivalent smaltsignal
model for Q..

circuit because it is an independent current source. Also note that a low-frequency
small-signal model is used for Q, (i.e., all the capacitors are ignored in the model).
This small-signal model can be further reduced by finding the Thévenin-equivalent
circuit. The Thévenin-equivalent output voltage is O since the circuit is stable and con-
tains no input signal. This circuit’s Thévenin-equivalent output impedance is found by
applying a test signal voltage, v,, at v, and measuring the signal current, Iy, as
shown. Here, the current i, is given by

Vy VV
= +9miVgst = — T Om1Vy (3.1)
Fas las)

Iy
and recalling that the output impedance is given by v, /iy, the output impedance equals
1/gm; Il t46;- Because typically ryg, >> 1/Qp,,, we approximate the output imped-
ance to be simply 1/¢,, (which is also defined to be r,), which results in the equiv-
alent model shown in Fig. 3.2(b). This same resuit holds in the bipolar case and is also
equivalent to the small-signal model for a diode—hence the name diode-connected
transistor.

Using the model just described leads to the simplified small-signal model for the ,
overall current mirror, as shown in Fig. 3.3(a), where Vg, has been connected to b
ground via a resistance of 1/gy,,. Since no current flows through the 1/9g,, resistor,
Vgs2 €quals 0 no matter what voltage level v, is applied to the current-mirror output.
This should come as no surprise, since MOS transistors operate unilaterally at low fre-
quencies. Thus, since gy,Vgs> = O, the circuit is simplified to the equivalent small-
signal model shown in Fig. 3.3(b). The small-signal output impedance, Iy, is simply
equal to Myg;.
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Q1 Qz ix
c!: r X
1 ds2 : +
g_ Vgs2 ImzaVYgs2 : % Vx
mi i : —
@ " -
ix
-
l4s2 +

(b)

Fig. 3.3 [g) A smallsignal model for the current mirror of Fig. 3.1 and (b} a
simplified smallsignol model.

EXAMPLE 3.1

Consider the current mirror shown in Fig. 3.1, where I,, = 100 pA and each
transistor has W/L = 100 um/1.6 pm. Given that p,C,, = 92 uA/Vz,
Vi, = 0.8V and rg = [8,000L (um)]/[I; (mA)], find r,,, for the current
mirror and the value of g,,,. Also, estimate the change in [, ,; fora 0.5 V
change in the output voltage.

Solution

Since the W/L ratios of Q, and Q, are the same, the nominal value of I,
equals that of I;, = 100 pA. Thus, we have
8.000x 1.6

rout = rd52 = T = 128 kQ (32)

The value of g,,, is given by
Gmi = 21,Cox(W/ D)5, = 107 mA/V (3.3)

resulting in Iy, = 1/9,,, = 935 Q Note that this r;; value is significantly less
than ryg,, which equals Iy, in this case.
The change in output current can be estimated, using fy,, as

Aly, = — = —=_ =39uA (3.4)

In other words, if initially 1, is measured to be 101 pA (due to mismatch or a
larger Vpg voltage), then a 0.5 V increase in output voltage would result in a
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new output current of about 105 pA. Note that this estimate does not account
for second-order eftects such as the fact that ry, changes as the output current
changes.

3.2 COMMON-SOURCE AMPLIFIER

A common use of simple current mirrors is in a single-stage amplifier with an active
load, as shown in Fig. 3.4, This common-source topology is the most popular gain
stage, especially when high-input impedance is desired.

Here, an n-channel common-source amplifier has a p-channel current mirror used
as an active load to supply the bias current for the drive transistor. By using an active
load. a high-impedance output load can be realized without using excessively large
resistors or a large power-supply voltage. As a result, for a given power-supply volt-
age, a larger voltage gain can be achieved using an active load than would be possible
if a resistor were used for the load. For example, if a 1-M£Q load were required with a
100-p A bias current, a resistive-load approach would require a power-supply voltage
of 1 MQx 100 uA = 100 V. An active load makes use of the nonlinear, large-signal
transistor equations to create simultaneous conditions of large bias currents and large
small-signal resistances.

A small-signal equivalent circuit for low-frequency analysis of the common-
source amplifier of Fig. 3.4 is shown in Fig. 3.5. V,;, and R,, are the Thévenin
equivalent of the input source. It is assumed that the bias voltages are such that both i
transistors are in the active region. The output resistance, R, . is made up of the par-
allel combination of the drain-to-source resistance of Q, that is, ry,, and the drain-

s Active load [
03 Q2

Vout
‘-] rout
Q
Fig. 3.4 A common-source amplifier with o
— - current-mirror active load.

Rin
Ay l ' O Vout
Vm% o Om1Vgst Rz = fasi 1 Tas2

Fig. 3.5 A small-signal equivalent circuit for the common-source amplifier.
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to-source resistance of Q,, that is, rys,. Notice that the voltage-controlled current
source modelling the body effect has not been included since the source is at a
small-signal ground, and, therefore, this source always has 0 current.

Using small-signal analysis, we have Vgs1 = Vin and, therefore,

v
Ay = o —Omi1R2 = —Omi(Fasy I Fas2) (3.5)

in

Depending on the device sizes, currents, and the technology used, a typical gain for
this circuit is in the range of —10 to —100. To achieve similar gains with resistive
loads, much larger power-supply voltages than 5 V must be used. This resistive-load
approach also greatly increases the power dissipation. However, it should be men-
tioned here that for low-gain, high-frequency stages, it may be desirable to use resis-
tor loads (if they do not require much silicon area) because they often have less
parasitic capacitances associated with them. They are also typically less noisy than
active loads.

EXAMPLE 3.2

Assume all transistors have W/L = 100 um/1.6 pm in Fig. 3.4, and that
MnCox = 90 pA/VZ, n.Coy = 30 pA/VE, Tpag = 100 HA, Ty () =
8,000L (um)/Ip (mA), and re (@) = 12,0001 (um)/Tp (mA). What is the
gain of the stage?

Solution
We have
gml = JzunCOX(W/L)IIbiaS = 106mA/V (36)
Also,
r, = 200XLOMM _ (he g (3.7
0.1 mA
and
12,000 x 1.6 um
r = = 192 k& 38
ds2 0.1 mA 38

Using Eq. (3.5), we have
Ay = —Qn(Fys Trys;) = —1.06(128 [ 192) = -81.4 3.9)

3.3 SOURCE-FOLLOWER OR COMMON-DRAIN AMPLIFIER

Another general use of current mirrors is to supply the bias current of source-follower
amplifiers, as shown in Fig. 3.6. In this example, Q, is the source follower and Q, is

~




130  Chapter 3 * Basic Current Mirrors and Single-Stage Amplifiers

Vino—i 01 ., ‘
Ibias Vout
Q;
Q, —
H Active load 1@ 3.6 A sourcefollower stage with a cur-

= = rent mirror used to supply the bias current.

an active load that supplies the bias current of Q,. These amplifiers are commonly
used as voltage buffers and are therefore commonly called source followers. They are
also referred to as common-drain amplifiers, since the input and output nodes are at
the gate and source nodes, respectively, with the drain node being at small-signal
ground. Although the dc level of the output voltage is not the same as the dc level of
the input voltage, ideally the small-signal voltage gain is close to unity. In reality, it is
somewhat less than unity. However, aithough this circuit does not generate voltage
gain, it does have the ability to generate current gain.

A small-signal model for low-frequency analysis of this source-follower stage is
shown in Fig. 3.7. Note that the voltage-controlled current source that models the body
effect of MOS transistors has been included. This body effect is included because the
source is not at small-signal ground and the body effect is a major limitation on the
small-signal gain. Note that in Fig. 3.7, r, is in parallel with r,,, . Notice also that the
voltage-controlled current source modelling the body effect produces a current that is
proportional to the voltage across it. This relationship makes the body effect equiva-
lent to a resistor of size 1/g,,, which is also in parallel with ryg, and ry;,. Thus, the
small-signal model of Fig. 3.7 is equivalent to the simplified small-signal model of
Fig. 3.8, in which Ry, = ryg; I ryen 1 1/gs,. Writing the nodal equation at v,,,, and
noting that Vgg, = Vi, — Vo We have

Vouthl_gmi(Vin“Vout) =0 (3.10)

Vs

Fas1
Qs1Vs9
Va1

Fas2

Vin = Vg1 O_J)
+
Vgs1
? - gm1vgs1

O Vout = Va1

Fig. 3.7 The low-frequency mode! of the sourcefollower amplifier.
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? b gm1vgs1
OVour
Rq:
Fig. 3.8 An equivalent smallsignal model for
= the source follower.
where Gg, = 1/Rg,.! Before proceeding, it is worth mentioning here that the

authors have found that, to minimize circuit equation errors, a consistent methodology
should be maintained when writing nodal equations. The methodology employed here
is as follows: The first term is always the node at which the currents are being
summed. This node voltage is muitiplied by the sum of all admittances connected to
the node. The next negative terms are the adjacent node voltages, and each is multi-
plied by the connecting admittance. The last terms are any current sources with a mul-
tiplying negative sign used if the current is shown to flow into the node.
Solving for v,/ V;,. we have
Av — \Eg_l — gml — gml (311)
Vin gml + Gsl Om1 + Os: + Jas1 + Yas2

Normally, gg, is on the order of one-tenth to one-fifth that of g,,;. Also, the transistor
output admittances, Qqs; and gqe,, might be one-tenth that of the body-effect param-
eter, gq;. Therefore, it is seen that the body-efféct parameter is the major source of
error causing the gain to be less than unity. Notice also that at low frequencies the
stage is completely unilateral. In other words, there is no signal flow from the output
to the input.

EXAMPLE 3.3

Consider the source follower of Fig. 3.6, where all transistors have W/L =
100 um/ 1.6 pm, p,Cp = 0 pA/VE Gy = 30 HA/VE Tpge =
100 pA, v, = 0.5 V2 r, () = 8,000L (um)/ I (mA). What is the gain
of the stage?

Solution
Notice that many parameters are the same as in Example 3.2, Repeating, we have

Omi = 2HnCox(W/L) Lyias = 1.06 mA/V (3.12)
Also,
8,000 - 1.6 tm
i = Fyey = ————— = 128 kQ 3.13
dsl ds2 0.1 mA ( )

1. Whenever a variable is designated G, it is assumed that the variable is an admittance and that
G, = 1/R,, where R; is the resistance of the same component.
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The equation for the body-effect parameter, (Eq. 1.87) from Chapter 1, is

g, = Ym
sl — T ———
2 /Vsp + |20
To calculate this parameter, we need to know the source-bulk voltage, Vgg.
Unfortunately, this voltage is dependent on the application and cannot be known
accurately beforehand. Here we will assume that 5 V power supplies are being
used, and that Vgg = 2 V. This is somewhat arbitrary, but it is the best one can
do without more details. We therefore have

0.5 g,
gy = ——— = 0.15g, = 0.16 mA/V (3.15)

242407

Using (3.11), we have

(3.14)

_ 1.06
T 1.06+0.16+1/128+1/128

Ay = 0.86 V/V (3.16)

Note that, as mentioned above, the fact that this result is so far below unity
is mainly due to the body-effect parameter, g.. If the body effect were not
present, the gain would be around 0.99 V/V.

3.4 COMMON-GATE AMPLIFIER ~

A common-gate amplifier with an active load is shown in Fig. 3.9. This stage is
commonly used as a gain stage when a relatively small input impedance is desired.
For example, it might be designed to have an input impedance of 50 Q to termi-
nate a 50-Q transmission line. Another common application for a common-gate
amplifier is the first stage of an amplifier designed to amplify current rather than
voltage.

If we use straightforward small-signal analysis, when the impedance seen at V,,
{in this case, the output impedance of the current mirror formed by Q,) is much less
than ry,,, the input impedance, 1. is found to be 1/g,,, at low frequencies. How-
ever, in integrated applications, the impedance seen at V,,, is often on the same order
of magnitude or even much greater than ry.,. In this case, the input impedance at low
frequencies can be considerably larger than 1/Q,,,. To see this result, consider the
small-signal model shown in Fig. 3.10. In this model, the voltage-dependent current
source that models the body effect has been included. Notice that vgs, = -V, and
therefore the two current sources can be combined into a single current source, as
shown in Fig. 3.11. This simplification is always possible for a transistor that has a
grounded gate in a small-signal model, and considerably simplifies taking the body
effect into account. Specifically, one can simply ignore the body effect for transistors
with grounded gates, and then, after the analysis is complete, simply replace the con-
stants Qg With g, + 0. However, for this example, we include the body-effect
parameter throughout the analysis.
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Fig. 3.10 The small-signal model of the common-gate amplifier at low
frequencies.
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Fig. 3.11 A simplified smallsignal model of the common-gate
amplifier.

At node v, ,;, we have
Vout(GL"'gdsl)_vslgdsl_(gml+gsl)vsl =0 3.17)
Rearranging slightly, we have

Vout _ Gm; + Qs + gdsl
Vsl GL+gds]

(3.18)

where it should be noted that this gain is approximately equal t0 g,/ (G| + Qug1)-
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The current going into the source of Q, is given by

is = Vg1(Omi1 + 9s1 + Jus1) ~ Vour9asi (3.19)
Combining (3.18) and (3.19) to find the input admittance, y;, = 1/T;,, we have

= Gm1 *+ 9si + Gas) gml

5
Y = 2 = = (3.20)
" g I+ Gds1 1+ Yas1
G, G,
Alternatively, we have
R
fy = 1.1 1+—"J (3.21)
Yin 9m1 Fas

With the p-channel active load shown in Fig. 3.9, R = 14s,. Since, in this case, R,
is approximately the same magnitude as rys,, the input impedance, fj, is about
2/9m for low frequencies—twice as large as the expected value of 1/gy,,. This
increased input impedance must be taken into account in applications such as
transmission-line terminations. In some examples, the current-mirror output imped-
ance realized by Q, is much larger than ry, (i.e., Ry >> rys), and so the input im-
pedance for this common-gate amplifier is much larger than 1/Qy,,. This increased
input impedance often occurs in integrated circuits and is not commonly known.

The attenuation from the input to the transistor source can be considerable for a
common-gate amplifier when R, is large. This attenuation is given by

a __Gs (3.22)
Vin  Gs+VYin
using the admittance-divider rule.? Using (3.20) to replace Y;,, we have
Yo _ G (3.23)
Vin Gs+gm1+gsl + 94s1
1 +g4e1/GL
Using (3.18) and (3.23), we find that the overall dc gain is given by
AV _ ‘icit _ G5 Om1+Qs1 + Jasi
Vi (Gs+gm + s +gdsl) G|+ Gys:
1+ gdsl/GL
(3.24)
— GS Omi
- (Gs+ Im1 ) GL+gds]
1+ gdsl/GL

2. This rule states that the gain is the ratic of the admittance connected between two nodes, divided by the
sum of that admittance and the admittance between the second node and ground.
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3.5 SOURCE-DEGENERATED CURRENT MIRRORS

We saw in Section 3.1 that a current mirror can be realized using only two transistors,
where the output impedance of this current source was seen to be ry,. To increase
this output impedance, a source-degenerated current mirror can be used, as shown in
Fig. 3.12. The small-signal model for this current mirror is shown in Fig. 3.13. Since
no current flows into the gate, the gate voltage is 0 V.

Note that the current i, sourced by the applied voltage source is equal to the cur-
rent through the degeneration resistor, R,. Therefore, we have

v, = i, R (3.25)
Also, note that
Vgs = Vs (3.26) ‘
Setting i, equal to the total current through g, Vys and ry,, gives 4
, v, -V ‘
iy = GmaVgs + —— (3.27)
Tas2
Substituting (3.25) and (3.26) into (3.27) gives l
v, —~i,R
i = —ixGmaRe + ——— (3.28)
ds2
Im I lloul B
v, | ‘
- v laut
Q] I—{P—’I 02 "
HS RS |
= = Fig. 3.12 A current mirror with source degeneration
iX
ov <+
” ——1—- V + gm2vgs + vy

Fig. 3.13 The smallsignal mode! for the source-degenerated cur-
rent source.
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Rearranging, we find the output impedance to be given by

v
Fout = Tf = Tgeal1 + Rg(Gm2 + Gas2)] = Tasall + RsQmy) (3.29)
X
where g4, is equal to 1/Ty,,, which is much less than g, (recall that g, = 1/5).
Thus, the output impedance has been increased by a factor approximately equal to
(1+RyGpmy).

This formula can often be applied to moderately complicated circuits to quickly
estimate the impedances looking into a node. Such an example follows, in the deriva-
tion of the output impedance of cascode current mirrors.

It should be noted that the above derivation ignores the body effect of the transis-
tor, even though the source of the transistor is not connected to a small-signal ground.
As discussed earlier, in Section 3.4, since the gate is at a small-signal ground, the
body effect can be taken into account by simply replacing g, in Eq. (3.29) with
Oz + Js2- This substitution results in

v

Fout = I—x = Tgeol1 + Rg(@mz + 9s2 + Gus2)] = Tas2l1 + Rol@mz + 9521 (3.30)
X
where g, is the body-effect constant. This result is only slightly different since g is
roughly one-fifth of g,,.

EXAMPLE 3.4

Consider the current mirror shown in Fig. 3.12, where I;, = 100 pA, each tran-
sistor has W/L = (100 um)/(1.6 pm), and R = 5 kQ. Given that
L,Cox = 92 uA/Vz, Vi, = 0.8V, and ry = [8,000L (um)]/[Ip (mA)],
find r,,, for the current mirror. Assume the body effect can be approximated by
gs = 0.20y,

Solution

Nominally, I,,; = L;,, and thus we find the small-signal parameters for this cur-
rent mirror to be

Omz2 = 2HACox(W/L)Io e = 1.07 mA/V (3.31)
Also, as in Example 3.1, we have
Fyy = 8_%):(—“5 = 128 kQ (3.32)

Now, making use of (3.29), the output impedance is given by
out = 1281{1 + 5[1.07 £0.2x 1.07+ %éﬂ = 955 kQ (3.33)

Note that this result is nearly eight times the output impedance for a simple
current mirror as found in Example 3.1. Also note that the voltage drop across
R, equals 100 pA x5 k2 = 0.5 V due to the dc bias current through it.
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3.6 HIGH-OUTPUT-IMPEDANCE CURRENT MIRRORS

In this section two high-output-impedance current mirrors are described—the cascode
and the Wilson current mirrors. These current mirrors have output impedances that
are larger than that of a simple current mirror by a factor of g,,ry —the maximum
gain of a single transistor.

Cascode Current Mirrors

A cascode current mirror is shown in Fig. 3.14. First, note that the output impedance
looking into the drain of Q; is simply ryg,, which is seen using an analysis very simi-
lar to that which was used for the simple current mirror. Thus, the output impedance
can be immediately derived by considering Q, as a current source with a source-
degeneration resistor of value ryg,. Making use of Eq. (3.29), and noting that Q, is
now the cascode transistor rather than Q,, we have

Fout = Tasal 1 + Rg(Qma + Uss + Ggss)] (3.34)
where now Ry = ry,,. Therefore, the output impedance is given by

Fout = Fasall + Fys2(Gma + Gsa + Gasa)]
Fasall + Fas2(Oms + Gsa)] (3.35)

rds4( rdszgm4)

I

[Lh

-

Thus, the output impedance has been increased by a factor of g, lgs2» which is an
upper limit on the gain of a single-transistor MOS gain-stage, and might be a value
between 10 and 100, depending on the transistor sizes and currents and the technology
being used. This significant increase in output impedance can be instrumental in real-
izing single-stage amplifiers with large low-frequency gains.

There is a disadvantage in using a cascode current mirror—it reduces the maxi-
mum output-signal swings possible before transistors enter the triode region. To
understand this reduction, recall that for an n-channel transistor to be in the active
region (also called the saturation or pinch-off region) its drain-source voltage must be
greater than V4 ; Vi was defined in (1.54) as

Veff = VGS — Vin (336)

I, Vou § llom

. Irroux
Qs H'_l Q,

a4k

Fig. 3.14 A coscode current mirror.
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which was shown in (1.80) to be given by )

v 2o (3.37)
= = :

° HnCox(W/L)

If we assume all transistors have the same sizes and currents, then they also all have
the same Vq and, therefore, the same gate-source voltages, Vgg; = Ven + V. Also,
from Fig. 3.14, we see that

Va3 = Vagi +Vass = 2Ver +2Viq (3.38)
and
Vos: = Vai—Vass = Vai— (Ve + Vin) = Veit + Vin (3.39) I
Thus, the drain-source voltage of Q, is larger than the minimum needed to place it at E

the edge of the active region. Specifically, the drain-source voltage of Q, is Vin
(about 0.8 V) greater than what is required. Since the smallest output voltage, Vi
can be without Q, entering the triode region is given by Vpg; + Vg, the minimum
allowed voltage for V,, is given by

Vout> Vpss + Verr = 2Vep + Vi (3.40} !

which, again, is V|, greater than the minimum value of 2V This loss of signal
swing is a serious disadvantage when modern technologies are used that might
have a maximum allowed power-supply voltage as small as 3 V. In the next chap-
ter, we will see how the cascode current mirror can be modified to maintain large
output impedances and yet still allow for near minimum voltages at the output of
the mirror.

EXAMPLE 3.5 i

Consider the cascode current mirror shown in Fig. 3.14, where I, = 100 A  §
and each transistor has W/L = (100 pm)/(1.6 pm). Given that n,C,, =
92 LA/V2, V,, = 08 V, and Ty = [8,000L (km)]/[Ip (mA)], find Ty
for the current mirror (approximate the body effect by 0.2Q,,). Also find the
minimum output voltage at V, such that the output transistors remain in the
active region.

Solution

Nominally, I, = L, and thus we can find the small-signal parameters for this
current mirror to be

gm4 = .fzunCOX(W/L)Iom - 107 mA/V (341)

We also have

8,000 x 1.6
Mags2 = fgss = —

= 128 kQ (3.42) i
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Now, making use of (3.35), the output impedance is given by
fout = 128k[128(1.07 + 0.2 x 1.07)] = 21 MQ (3.43)

To find the minimum output voltage, we first need to determine V¢ :

Y Hou 0.19 V (3.44)
M N CoW/L) '

Thus, the minimum output voltage is determined to be 2 x 0.19+ 0.8 = 1.18 V.

Wilson Current Mirror

Another commonly used current mirror is the Wilson current mirror, shown in
Fig. 3.15. It is an example of using shunt-series feedback to increase the output imped-
ance [Sedra, 1991]. Basically, Q, senses the output current and then mirrors it to Ip,,
which, in turn, is subtracted from the input current, I;,. Note that I, must precisely
equal I;,; otherwise the voltage at the gate of Q,, Q, would either increase or decrease,
and the negative feedback loop forces this equality. This feedback arrangement
increases the output impedance by an amount equal to 1 plus the loop gain. Assuming
all devices are matched, the output impedance without the feedback due to Q,, Q,
would be 2r,,, taking into account that Q, has source degeneration equal to1/9y,,
(i.e., the small-signal impedance of diode-connected Q,), which is responsible for the
2 factor. The loop gain is approximately given by™
Fasi Il T;

A, = M‘;'"—) (3.45)
where r;, is the input impedance of the biasing current source I;,,. The factor of 1/2
is due to the voltage attenuation from the gate of Q, to its source, caused by the
source degeneration of the diode-connected Q,. Assuming r;, is approximately equal

Iin I lIoui
r 4 |

in

Q, I—‘L| Q,

Q I Q.

= = Fig. 3.15 The Wilson current mirror.

3. Actually, this is a modified Wilson current mirror, where Q, has been added to make the drain-scurce
voltages of Q| and Q. approximately equat, which improves the absclute matching of I, and I,,.
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{0 Igs 1> then the loop gain is given by

r
AL = Imilas: (3.46)
4
and the output impedance is therefore given by
Fasy I i Omi 1
out = 2rds4g—ml( d;] i = dsd( mlzdSIJ (3.47)

which is roughly one-half the output impedance for that of a cascode current mirror.
For this reason, the cascode current mirror is often preferred over the Wilson current
mirror. [n terms of output voltage swing, the minimum allowed voltage across the
current mirror, before Q, enters the triode region, is 2V g, + Vy,,. which is similar to
that of the cascode current mirror.

Finally, it should be noted that Q, is not required in the Wilson current mirror. It
has been included to give Q, and Q, the same drain-source bias voltages, and thus
minimizes inaccuracies caused by the large-signal output impedances of the transis-
tors. Without this transistor, the output current would be slightly smaller than the
input current because Vpg, would be larger than Vpg,. However, the small-signal
output impedance would remain the same.

3.7 CASCODE GAIN STAGE

In modern IC design, a commeonly used conﬁguration for a single-stage amplifier is a
cascade configuration. This configuration consists of a common-source-connected
transistor feeding into a common-gate-connected transistor. Two examples of cascode
amplifiers are shown in Fig. 3.16. The configuration in Fig. 3.16(a) has both an n-
channel common-source transistor, Q,, and an n-channel common-gate cascode tran-
sistor, Q,. This configuration is sometimes called a telescopic-cascode amplifier. The
configuration shown in Fig. 3.16(b) has an n-channel input (or drive) transistor, but a
p-channel transistor is used for the cascode (or common-gate) transistor. This config-
uration is usually called a folded-cascode stage. It allows the dc level of the output
signal to be the same as the dc level of the input signal. Unfortunately, it is usually
slower than the telescopic-cascode amplifier because although parasitic capacitances
at the source of the cascode transistor are similar in both cases, the impedance levels
of the folded-cascode stage are roughly three times larger due to the smaller transcon-
ductance of p-channe! transistors as compared to n-channel transistors.

There are two major reasons for the popularity of cascode stages. The first is that
they can have quite large gain for a single stage due to the large impedances at the
output. To enable this high gain, the current sources connected to the output nodes are
realized using high-quality cascode current mirrors. Normally this high gain is
obtained without any degradation in speed, and sometimes with an improvement in
speed. The second major reason for the use of cascode stages is that they limit the
voltage across the input drive transistor. This minimizes any short-channel effects,
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Fig. 3.16 [a] A telescopiccascode amplifier and (b} a folded-cascode amplifier.

which becomes more important with modern technologies having very short channel-
length transistors.

The analysis of the cascode gain stage is based on the telescopic stage of
Fig. 3.16(a). The same analysis, with only minor modifications, also applies for the
folded-cascode stage of Fig. 3.16(b).

From the section on cascode current mirrors, we know that the impedance look-
ing into the drain of cascode transistor Q, is approximately given by

Faz = OmalasiTas2 (3.48)

The total impedance at the output node is ry, in parallel with R, where R, is the
output impedance of the bias current source, l,,c. Assuming I, is a high-quality
source with an output impedance on the order of

RL = Umpldsp (3.49
then the total impedance at the output node 1s
r

Rout = g'"zés (3.50)

We have dropped the indices here under the assumption that the transistors are somewhat
matched, and to simplify matters since we are only deriving an approximate solution.

To find the approximate low-frequency gain, we can use part of the analysis done
previously for the common-gate stage. Repeating Eq. (3.2() here for convenience, we
found that the low-frequency impedance looking into the source of the common-gate,
or cascode, transistor, Q,, was given by

Y, = Umz + 952 + Jas2 - 9m2 (3.51)

1+ Qas2 1+ Qus2

G, G
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Note that the indices are changed to reflect the fact that Q, is the common-gate tran-
sistor rather than Q,. Substituting (3.49) into (3.51), and again assuming all elements
are somewhat matched so that the indices can be dropped, we have

g .
Yinz = —’;u = Gas (3.52)
1+ — os
9as”m
The gain from the input to the source of Q, is therefore given by
\
Yo _Sm_ . Sn (3.53)
Vin 9as1 + Yinz 2Q4s
The overall gain can then be found using (3.18) and (3.53}. We have
A, = VsaVout - Im  9m - 9m 9m:2 - _l(g_m)z (3.54)
Vin Vs2 20945 G + Gas2 29459us2 2\gq4s

The reader should be cautioned that (3.54) is only approximate, primarily due to
the difficulty of accurately determining the output admittance, gy, for the different
transistors. For example, one problem in estimating gy, is that it is voltage depen-
dent. Therefore, prudent designers should never construct a design for which success-
ful operation requires knowing the gain precisely, rather than just knowing that it will
be greater than some minimum value.

EXAMPLE 3.6

Assuming g,, is on the order of 0.5 mA/V and ry, is on the order of 100 k{2,
what is the gain of the cascode amplifier?

Solution
Using (3.54), we have Ay = —1,250. This is a fairly representative number.

3.8 MOS DIFFERENTIAL PAIR AND GAIN STAGE

Most integrated amplifiers have a differential input. To realize this differential input,
almost all amplifiers use what is commonly called a differential transistor pair. A differ-
ential pair together with a biasing current source is shown inFig. 3.17. Alow-frequency,
small-signal model of the differential pair is shown in Fig. 3.18. This small-signal
equivalent circuit is based on the T model for a MOS transistor that was described in
Chapter 1. To simplify the analysis, we ignore the output impedance of the transistors
temporarily. Defining the differential input voltage as v;, = V' —Vv~, we have
Vin Vin

g = lgp =

(3.55)

l'sl +r52 - 1/gml + l/gmz
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v o—| —oVv~
Q, Q,
Ibiz-xs

Fig. 3.17 A MOS differential pair.

v-v Fig. 3.18 The smallsignal model of @ MOS
fo1+ Fg2 differentiol pair.

Since both Q; and Q, have the same bias currents, g,,;, = Q2. Therefore, we find

iy = LU (3.56)
2 .
Also, since iy, = igy = —ig,, we find that
2
Finally, defining a differential output current, iy, = ig; — iy, then the following rela-
tionship is obtained:
lout = Gm1Vin (3.58)

Thus, if a differential pair has a current mirror as an active load, a complete
differential-input, single-ended-output gain stage can be realized, as shown in
Fig. 3,19, This circuit is the typical first gain stage of a classical two-stage inte-
grated opamp in which the input differential pair is realized using n-channel transis-
tors and the active current-mirror load is realized using p-channel transistors. From
the small-signal analysis of the differential pair, we have

igr = ig; = = Vin (3.59)

Also, ignoring transistor output impedances, we have
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Fig. 3.19 A differential-input, single-ended-output
MOS gain stage.

Note that a positive small-signal current is defined as the current going into the drain
of a transistor. Using (3.60} and the fact that iy, = —ig,, we have

Vour = (=lg2 —1ga)out = 2isiTour = GmiToutVin (3.61)
This result assumes that the output impedance is purely resistive. If there is also a
capacitive load, C_, then the gain is given by

Vv
A, = 2 = gZou (3.62)

n

where 2, = oy I 1/(sC_). Thus, for this differential stage, the very simple model
shown in Fig. 3.20 is commonly used. This model implicitly assumes that the time
constant at the output node is much larger than the time constant due to the parasitic
capacitance at the node at the sources of Q, and Q,. This assumption is usually justi-
fied, because the impedance at the cutput node, g, is much larger than the imped-
ance at the Q,, Q, source node (i.e., 1/gm, Il 1/0m, ). Also, the capacitance at the
output node, C,, is usually larger than the parasitic capacitance at the Q,, Q, source
node. However, when high-frequency effects are important (which may be the case
when compensating an opamp to guarantee stability), then this assumption may not be
justified. '

The evaluation of the output resistance, f, ,,, is determined by using the small-signal
equivalent circuit and applying a voltage to the output node, as seen in Fig. 3.21. Note
that the T model was used for both Q, and Q,, whereas Q; was replaced by an equiv-
alent resistance (since it is diode-connected), and the hybrid-n model was used for Q.

+ O— . 4 ‘I O Vout
Vin gm‘lvin rout CL
Y, S— |

Zout

Fig. 3.20 A smallsignal model for the differentiakinput amplifier.
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Fig. 3.21 The small-signal model for the calculation of the output
impedance of the differentiakinput, single-ended-output MOS gain
stage.

As usual, 1y, is defined as the ratio v, /i, where i, is given by the sum i, =
iy + o + iy + by Clearly,

. Vy

iy, = — (3.63)

Fdsa

implying that the resistance seen in the path taken by i, is equal to ry.,. Now, assum-
ing that the effect of rys, can be ignored (since it Ts much larger than ry ), we see that
the current i,, is given by

v \'4

X

IX2 =

_— =1 (3.64)
Fas2 + (Tsy 1 752)  Tusa

where the second approximation is valid, since ry., is typically much greater than
rsy |l rsp. This iy, current splits equally between ig, and i, (assuming ry, = rg, and
once again ignoring rye,), resulting in

-V

X
(3.65)
2rye)

Isl - 'sz

However, since the current mirror realized by Q, and Q, results in iy = i,
(assuming g, = 1/rg, = 1/ry and ry., 1s much larger than rg, ), the current i,
is given by

Iyg = —lg; = —lgg = —ly3 (3.66)
In other words, when the current splits equally between rg, and r,, the current mirror
of Q, and Q, causes the two currents i,; and i,, to cancel each other. Finally, the
output resistance, ., is given by

Vx Vy

r (3.67)

out =

ixl + i)(2 + ix3 + ix4 (Vx/rdsd) + (Vx/rdsz)
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which results in the simple relationship

Foue = Tas2 | rysa (3.68)
Therefore, at low frequencies the gain, A,, is given by
A, = 9mi(Fgsa ll Tasa) (3.69)
EXAMPLE 3.7
Consider the gain stage shown in Fig. 3.19, where I, = 200 QA and all tran-
sistors have W/L = (100 pm)/(1.6 um). Given that p,C,, = 92 pA/V
Vi, = 0.8V, and ry, = [8,000L (pm)]/[Ip (mA)], find the output imped-
anee, I, and the gain from the differential input to the output, V.
Solufion

To find the bias currents, we assume that ;.. splits evenly between the two
sides of the differential circuit, resulting in

Ip, = Ip; = Ipy = Ips = 100 pA (3.70)
Therefore, the transconductance of the input transistors is equal to
Imi = Om2 = A2HnCox(W/L)(Tgias/2) = 1.07 mA/V (3.71)
The output impedance of Q, and Q, is given by
Faey = ges = %1'—6 = 128 kQ (3.72)

Thus, the gain for this stage is

v
A, = VL = g (Fgs2 Il Tyss) = 68.5 V/V (3.73)

3.9 BIPOLAR CURRENT MIRRORS

The most popular bipolar current mirrors are very similar to the MOS current mirrors.
A simple bipolar current mirror is shown in Fig. 3.22. This current mirror has an out-

L, I lIout
|

Q, Q,

= = Fig. 3.22 A simple bipolar current mirror.
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put current almost equal to its input current. In fact, its output current is slightly
smaller than the input current, due to the finite base currents of Q, and Q,. Taking
these two base currents into account results in

1

= —] 3.
IDUI (1 +2/B)Ill'l ( 74)

where [ is the transistor current gain. For large B, this relation is approximately given
by Loy = (1 -2/B)L.

In one commonly used modification of the simple bipolar current mirror, an
emitter-follower buffer, Q, is added to supply the base currents, as shown in
Fig. 3.23. This additional transistor minimizes the errors due to finite base currents,
resulting in I, = [;,(1 - 2/[32). Such an arrangement is almost always used for cur-
rent mirrors when lateral transistors® are used because of their low current gains (i.e.,
B’s on the order of only 10-20). The output impedance of both of the previous current
sources is equal to the output impedance of Q,, which is r,.

In another often-used vanation of the simple current mirror, emitter degenera-
tion is added. This approach results in larger output impedances and also mini-
mizes errors caused by mismatches between Q,; and Q,. An example of this
current mirror is shown in Fig. 3.24. In an analysis similar to that given for the
MOS current mirror with source degeneration, the output impedance is now found
to be given by

Fout = To2(1 + Gm:R,) (3.75)

-

Fig. 3.23 A current mirror with fewer inaccuracies caused by
= = finite base currents.

Fig. 3.24 A current mirror with emitter degeneration.

4. In many bipolar processes, pnp transisiors are only available as lateral devices.
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for R, << r. Normally, this current mirror is designed so that the bias voltage across
R,. defined to be Vg, is about 0.25 V. This implies that R, is given by

v v
R, = —= = ¢ (3.76)
Ie2 IC2
Using the relationship g, = I.,/Vy. where V; = kT/q = 26 mV at 300 °K,

gives

n

- vFte

T
assuming Vg, = 0.25 V. It should be mentioned here that the addition of these R,
resistors also minimizes the noise output current of this current mirror, generated by
the base resistance thermal noise, which is often the major source of noise in bipolar
wideband circuits.

To achieve still higher output impedances, one can use either a cascode or a Wil-
son current mirror, as shown in Fig. 3.25. The Wilson current mirror is preferred in
bipolar realizations because the cascode mirror exhibits large errors, due to the fact
that the base currents of all of the transistors are supplied by I;, only. As a result, the
output current is smaller than the input current by a factor roughly equal to 1 —4/p.
For the Wilson current mirror, the base currents of Q, and Q, are supplied by I,
whereas the base currents of Q; and Q, come from I,,,. It can be shown that the errors
due to finite base currents are on the order of 2/ B2 [Gray, 1993]. 1t can also be shown
that both of these current mirrors have an output jmpedance on the order of [Gray,
1993]

r
Tout = % (3.78)

This concludes the review of commonly used current mirrors. Chapter 6 describes
some improved MOS current mirrors that have become popular recently.

Iin l l Iom Iin I l IC\ut
! I

Q Q. Q Q,

(a) (D)

fig. 3.25 High-output impedance (g} cascode and (b) Wilson current mirrors.
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3.10 BIPOLAR GAIN STAGES

In this section, we look at two bipolar circuits—emitter followers and differential
pairs. Although much of the small-signal analyses follow those of their MOS counter-
parts very closely, one difference is the finite base impedance of bipolar transistors.
Here we shall see some simple rules for dealing with this finite base impedance dur-
ing small-signal analysis. Because of its importance in translinear circuits, we also
look at the large-signal behavior of the differential pair.

Emitter Follower

A bipolar emitier-follower is very similar to a MOS source follower, except that its
input impedance 1s not infinite and its gain is normally much closer to unity. The anal-
ysis of its low-frequency response provides a gooed illustration of the use of the bipo-
lar T model, and also of some relatively general principles for coming up with quick
estimates of input and output impedances of bipolar circuits.

A bipolar emitter follower with a resistive load is shown in Fig. 3.26. Its small-
signal model at low frequencies, where the bipolar T model has been used, is shown
in Fig. 3.27(a). In this small-signal model, the device base resistance r, has been
ignored, since it can be easily taken into account after the fact by simply making Rg
slightly larger (i.e., equal to Rg+ ry). Notice that Rg and r, are in parallel. This
allows a slightly simplified small-signal model to be analyzed, as shown in
Fig. 3.27(b), where Rg = Rg Il r,. The analysis of the gain of this circuit is done in
two steps. First, the input impedance looking intd the base of the transistor, R, is
found, allowing us to calculate the gain from the input to the base. Second, the gain
from the base to the output is found, which allows us to derive the overall gain. The
current in the emitter, i, is given by

e = ip(B+1) (3.79
Therefore,
Vp = ig{fe+ RE) = iy(B+ 1)r,+ RE) (3.80)
This gives
Vi
R, = E = (B+ D{r,+ Rg) (3.81)
Rs Veo
Vin
Vout
Re

= Fig. 3.26 A bipolar emitter follower.
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= €L
. on
—p Y
Vin a |_’ P

Vou!

= (a) (b)

Fig. 3.27 (o) The smallsignal model for the bipolar emitter follower and {b) a simplified
madel.

Alternatively, noting that

o

B+, = (;3+1)g _@+nBBrD _ B

m m gm

=, (3.82)
gives
R =+ (B+1)Rg (3.83)

Equations (3.81) and (3.83) illustrate a principle that is generally applicable for bipo-
lar circuits: At low frequencies, resistances in series with the emitter appear B+ 1
times larger when seen looking into the base or, equivalently, when they are reflected
into the base. Continuing, using the resistor-divider formula, we now have

Vp R, B+ 1)ro+ Rp)

Vo _ - : (3.84)
Vien Bp+Rs (B+1)(re+ RE)+Rs

The gain from the base to the emitter, which is the output, is easily found from
Fig. 3.26(b), again using the resistor-divider formula, to be given by

v RE R:
ot —E . F (3.85)
Vp £e+r, Rg+1/g,
Using (3.84) and (3.85), the overall gain is now given by
Vour _ VoVour _ [ (B+ ir + RE) j( A ) (3.86)
Vin Vin Vb (|3+1)(rs+ I:‘E)""HS E+1/gm

With a little practice, transfer functions such as that given by (3.86) can be written by
simply inspecting the actual circuit, without actually analyzing the small-signal model.

It is also interesting to find the output impedance of the emitter follower at low
frequencies excluding Rg, which is equal to the impedance seen looking into the
emitter. The small-signal model for this analysis is shown in Fig. 3.28, where the
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v Fig. 3.28 The smaltsignal model for finding the output
+— *="®  impedance of an emitter follower.

input source has been set to 0 and the impedance R, = v,/i, is to be found. First

note that
. ie =y
iy = = (3.87)
B+1 PB+1
since i, = —i,. Therefore, we have
Vi = Vp+ iyl
= —i Rg +1i,r
ptie T Ixle (3.38)
. Rs .
= IXB—;-i- + 1,
This gives the impedance seen looking into the erpitter as
v R R r
_ X S S + n (3.89)

= - = —— 4 [, = a——
T 0, B+1 ° B+l P+l

This is an example of a general principle for bipolar circuits: Resistances in series
with the base are divided by B+ 1 when they are seen looking into the emitter, or,
equivalently, are reflected to the emitter. The total output impedance of the emitter-
follower is now simply R, in parallel with Rg.

Bipolar Differential Pair—Large-Signal

A bipolar differential pair is shown in Fig. 3.29. This circuit’s large-signal behavior
can be analyzed by first recalling the exponential relationship for a bipolar transistor,

Fig. 3.29 A bipolar differential pair.
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(Vag/Vy)

IC = Ise (3.90)
which can be used to find the base-emitter voltages
vV Vv Ig,
gEr = Vrin|— (3.91)
Is,
I,
VBEZ = VTln -_ (392)
Is;

Now, writing an equation for the sum of voltages around the loop of input and base-
emitter voltages, we have

V+_VBE| +VBE2_V7 =0 (393)
Combining (3.91), (3.92), and (3.93), and assuming Ig, = Ig,, we can write
? - e(V+_v' WV ViV (3.94)
c2

where V4 is defined as the difference between V* and V. In addition, we can write
alge = Igy +1¢; (3.95)

where o is defined to be /(B + 1} and is due to some currents flowing through the
base terminals. Finally, combining (3.94) and (3.95), we have

al -
o= ——— (3.96)
1 + e id T
al
ey = — (3.97)
1+ e id T

A plot of these two currents with respect to V4 is shown in Fig. 3.30, where we note
that the currents are split equally at V,y = 0 and saturate near Iz or 0 for differen-
tial input voltages approaching 4 V5 (around 100 mV). Note that the relations shown

4 2 0 2 4

>V,

Fig. 3.30 Collector currents for a bipolar differential pair,
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in (3.96) and (3.97) are hyperbolic tangent functions, and thus this current—voltage
relationship for a bipolar differential is commonly referred to as the tanh relationship.

Bipolar Differential Pair—Small-Signal

The small-signal model for the bipolar differential pair of Fig. 3.29 is shown in
Fig. 3.31. Once again, defining v,y = v*-v-, we have
oV, oLV;
i, = iy = — = k (3.98)
For +Tea  {0/Qmy) + {0/ Qpz)

In the case where both transistors have the same bias currents through them (i.e., the
nominal differential voltage is 0, resulting in g,;,, = 9,2 ), we find the same result as
for a MOS differential pair,

Omi

> Vid (3.99)

ey =
A similar result holds for i, .

Finally, the input impedance of this differential pair can be found using the impedance-
scaling rule just discussed. Specifically, consider the small-signal model shown in
Fig. 3.32, where v~ is grounded and we wish to find the impedance r;4 looking into the
base of Q,. The impedance, r,. seen looking into the emitter of Q, is simply r,,,

-

igy = Qg lez = Clg
v’ v
Me ¢|el ie2¢ fe2
—>
vy’
e Fig. 3.31  The smailsignol model of o
g1+ Taz

bipolar differential pair.

> Fig. 3.32 Finding the input impedance of a bipolar

ra differential pair.
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since the base is grounded. Thus, the total emitter resistance to the ground of Q, is
Fo( + ey, and using the impedance reflection rule, the impedance, r;4, seen looking
into the base of Q, is equal to B + 1 times the emitter resistance, or, equivalently,

g = (B+ 1)(rg, +7g2) (3.100)

3.11 FREQUENCY RESPONSE

In this section, we look at the frequency response of many of the previous circuits.
Although the precise calculation of frequency responses is most often left to computer
simulations, there is much insight that can be obtained by finding the dominant fre-
quency effects in integrated circuits.

Common-Source Amplifier

A small-signal equivalent circuit for high-frequency analysis of the common-source
amplifier of Fig. 3.4 is shown in Fig. 3.33. Here, Cq, is the gate-to-source capaci-
tance of Q,, whereas Cyq, is the gate-to-drain capacitance of Q. Note that we have
assumed that the output capacitance of the input source can be ignored. The capaci-
tance C, is made up of the parallel connection of the drain-to-bulk capacitances of
Q, and Q, together with the load capacitance, C, . Usually, G| dominates.

To analyze the circuit at high frequencies, one can use nodal analysis. At node v/,
we add all of the currents leaving the node and set the sum equal to zero, to obtain

V(G +8Cgq, +5Cgq1) = VinGin — Vour8Cqas = 0 (3.101)
where G;, = |/R;,. Also, at the output node, we have
VoulGa +8C g4 +8C) -vsCyyy + gV, = 0 (3.102)

where V; = Vgq.
Solving (3.101) and (3.102) (somewhat tediously), we have

C
_ngRZ[I - SL{H)

Vout _ ml (3 103)
Vi, 1 +sa+s?b )
Rin Vy ng1
NN— ’ { } : » —0O Vout
-ic _L
Vin Vgst gst Om1Vgs R, C, I

Fig. 3.33 A smallsignal model for high-frequency analysis of the common-source amplifier.
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where
a = Rip[Cyq + Cyg (1 + gm R+ R(Cpy; + Cy) (3.104)
and
b = RizR:(Cgq1Cyqsi + Cgs(C: + Cgq,Cy) (3.105)

At frequencies where the gain has started to decrease but is still much greater than
unity, the first-order term in the numerator, -$(Cyq,/gp ). and the second-order
term in the denominator, $2b, can be ignored. For this case, we have

v -gm: R
_ Your _ . Imi R (3.106)
Vin P+ 8{Rn[Cgsy + Cgq (1 + 91 Ry)] + R:(Cga) + C,)}
The low-frequency gain is as expected, —Q,(R,. Also, setting § = jo ; 45 and solv-
ing for

1
Ao g5)] = — (3.107)
| 3 dB | ﬁ

gives

1
= 3.108
-3 a8 Rin[Cgs1 + Cgai (1 + gm R 1+ Ro(Cyg, + Cy) ( )

As an aside, it is of interest to note that the result for the -3-dB frequency is the
same result that one would obtain if the zero-value time-constant analysis technique
were used [Gray, 1993]. In this technique, one Calculates a time constant for each
capacitor by assuming all other capacitors are zero, replacing the capacitor in ques-
tion with a voltage source, and then calculating the resistance seen by that capacitor
by taking the ratio of the voltage source to the current flowing from the voltage
source. The time constant seen by the capacitor is then simply the capacitor multi-
plied by the resistance seen by that capacitor. The —3-dB frequency for the complete
circuit is then 1 divided by the sum of the individual capacitor time constants. For the
common-source amplifier, the resistance seen by Cgsl is the input source impedance
Rin, the resistance seen by Cq, is Rjp(1+ gy R,) + Ry, and the resistance seen by
C,is R,.

Often, unless R;, << R,, the first term in the denominator of (3.108) dominates,
and we have

1

= 3.109
-2 a8 Rin[Cgs] +ng1(1 +A)] ( )

where A = g,,,R, is the magnitude of the low-frequency gain. The term
Cyga1(1 + A)is often called the Miller capacitance because it is the equivalent capaci-
tance obtained when one uses the Miller approximation [Sedra, 1991]. Because the
size of Cgq is effectively multiplied by one plus the gain of the amplifier, Cyq) must
be small.

At higher frequencies, when the gain is not much greater than unity, the second
pole and the zero should be considered. The frequency for the second pole can be
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found by assuming that the poles are real and widely separated and that the denomina-
tor can therefore be expressed as

D(s) = (1+-8—][1+i)5 1+ 5% (3.110)
®p) ®p2 Wy, Wp 0y

The coefficients of (3.110) can then be equated to the coefficients of the denominator

of (3.103). This analysis is almost identical to that used later in Section 5.2 for analyz-

ing the two-stage amplifier for its frequency response, so it will not be given here.

However, the equation for the approximate frequency of the second pole of the

denominator is simply given as

gmlcgdl

W,y =
p2 C.C c.C C C
gsl ~gdl gs1 2 gdl~2

(3.111)

It should be mentioned that the Miller approximation results in a very different and
incorrect approximation for the frequency of the second pole.

EXAMPLE 3.8
Use the same parameters as in Example 3.2 along with the following: R, =
180 kQ, C, = 0.3 pF, C,.; = 0.2 pF, Cyy; = 0.015 pF, Gy, = 20 fF, and
Cqpp = 36 fF. Estimate the —3-dB frequency of the common-source amplifier
in Fig. 3.4.
Solution
We have
R, = rge; rgs; = 77 kQ (3.112)
and
02 = CL+ Cdbl + Cde = 0.36 pF (3.113)

The time constant due to Ry, namely, Rj,{Cgys; + Cgqi(1 +A)], is now equal
to 0.26 us. The time constant due to R,, namely, R,(Cgq, + C,), is equal to
0.03 us. The —3-dB frequency (in hertz) is equal to

. -
foyp = [-Q-?J[Rm[cgsl +Cgq1 (1 + gm R)T+ Ry(Cyqy + G3)] ’ (3.114)

= 550 kHz

Source-Follower Amplifier

Before proceeding, it should be stated that the high-frequency analysis of source-
follower amplifiers is somewhat involved. We will show that these types of amplifi-
ers can have complex poles, and thus a designer should be careful that the circuit
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does not exhibit too much overshoot and ringing. We also show a compensation
circuit that results in only real axis poles and therefore no overshoot and ringing.
However, because the material is complex, we suggest that only advanced readers
cover this subsection in detail.

The frequency response of the source follower can be found by modelling the
source as a Norton equivalent circuit and adding a load capacitance, as Fig. 3.34
shows. The small-signal model used for this circuit, which includes the parasitic
capacitances, is shown in Fig. 3.35. Capacitor C, includes both the load capacitor,
C,. and the parasitic capacitor, C,,,. Similar to what was done at low frequencies,
Fasi» Fgs2» and the voltage-controlled current source modelling the body-effect current
source can be modelled by a single resistor. This model allows us to analyze the sim-
plified small-signal model shown in Fig. 3.36, where again Ry, =ryq, | rgs2 | (1)/0s;
and the input capacitance is given by Gi, = Cj, + Cyq).

Neodal analysis is possible, but it is very complicated for this example. The analy-
sis proceeds in four steps. First, the gain from v, to v, is found. Second, the admit-
tance, Y, looking into the gate of Q,, but not taking into account Cgq,, is found.
Third, the gain from ij, to V4, is found. Finally, the overall gain from v, to v, is
found and the results are interpreted.

At node v,,;. we set the sum of the currents that leave the node to zero, so we
have

Vou(8GCs + scgsl +Ggy) - Vgiscgsl —Omi{(Vgi —Vou) = 0 (3.115)

Fig. 3.34 The configuration used to analyze the frequency
response of the source follower.

ng1

|1 .
[ 1. l )
+
|n Fas1
Fiin I 0951 grn1vgs1 Gs1Vs1

.||—

0 Vout

U ds2

I—F—+—W— &

Fig. 3.35 An equivalent small-signal model for the source follower.
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I T g1 gm1vgst®
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Clh = Cin+Cyar H’“j I C. ;

| 3

Fig. 3.36 A simplified equivalent smallsignal mode! for the source follower.

Solving for v,/ Vg, we have
Vout - 8Cqq1 + O (3.116)
Vg] S(Cgsl+Cs)+gml+Gs]

The next step is to calculate the admittance, Y, looking into the gate of Q, but not
taking into account the current entering Cg4,. The input current is given by

igl = (Vgt - Vout)scgsl (3117)
Using (3.116) to eliminate V,,,; in (3.117), and solving for Y, = ig,/Vg;, we have
_ g1 _ §Cg51(sCs +Gg)) 3.118)

9 Vgr  8(Cge1 +Cs) +9m: +Gg,
We can write an equation relating the input current, i, , to the gate voltage, vg,, as
n = Vg1 (8Ciy +Gin+Yy) (3.119)
Substituting (3.118) into (3.119) and rearranging gives
§(Cge1 + Cs) + Gmi + Gy,

L (3.120)
fin a+sb+s’c

where
a = Gip(gm; + Gar)
b = Gin(Cgss + Co) + Cip (I +Gqy) + Cgsy G (3.121)
¢ = Cgq;Cs + Cf (Cysy + Cy)
Using (3.116) and (3.120), we then have
8Cgs1 + Omi

Vout
A(S) = — = —————— (3.122)
in a+sb+s’c

Thus, we see that the transfer function is second order. Specifically, it has two poles
(roots of the denominator) that may be either reat or complex conjugate. If they are
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complex conjugate, then the step response of the circuit will exhibit overshoot and pos-
sibly ringing. This potential problem is a disadvantage when using source followers.

Tao determine if the transfer function will exhibit ringing, (3.122) can be written
in the form

A(s) = A(0) (3.123)

52
I+ —+—
0, Q o}
where @, and Q can be found by equating the coefficients of (3.123) to the coeffi-
cients of (3.122). Here, parameter o, is called the pole frequency and parameter Q is
called the O faccmrs [Sedra, 1991]. It is well known that if Q < J1/2 = 0.707, then
the magnitude of the transfer function has its maximum at dc and no peaking will
occur (assuming the zero is at a very high frequency and therefore has negligible
effect). Furthermore, for Q = ./1/2, the -3-dB frequency is equal to ;. When the
time-domain response is investigated, restrictions on the Q factor can also be found to
guarantee no peaking for a step input. Specifically, to have no peaking in the step
response, both poles must be real; this is equivalent to the requirement that Q <0.5.
In the case where Q> 0.5, the percentage overshoot of the output voltage can be
shown to be given by

YN T

% overshoot = [00e (3.124)
For the source follower, equating the coefficients of (3.123) to the coefficients of
(3.122) and solving for w, and Q results in ~
Gi(9m +G
w, = J o(Gm; + Gs1) (3.125)
CgsICs + Cin(Cgsl + Cs)
Q = '\/Gin(gml + Gsl)[cgslcs + C’in(Cgsl + Cs) ] (3.126)

GinCs + Cf (gmi + Ga) + Cys1Gis;

If Q is greater than 0.5, the poles will be complex conjugate, and the circuit will
exhibit overshoot. Although this Q equation is rather complex, note that if C,, C},,
or both become large (i.c., if the load, the input capacitor, or both become large), then
Q becomes small, and no overshoot will occur (aithough the circuit will be slow).
And when C{, and G, become small (G, becomes small when the transistor’s
source is connected to the substrate, which eliminates the body effect), then the circuit
will have a large Q (i.e., large ringing) when G;, becomes small and C; = Cy,,. In
summary, source follower (and emitter follower) circuits can exhibit large amounts of
overshoot and ringing under certain conditions. Fortunately, the parasitic capaci-
tances and output impedances in practical microcircuits typically result in only mod-
erate overshoot for worst-case conditions.

5. The Q factor is 1/2 times the inverse of the damping factor. The damping factor is an alternative method
of indicating the pole locations in second-order transfer functions.
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Finally, note also that the numerator zero of the transfer function lies on the nega-
tive real axis at a frequency given by

- ~Gmi-
Cgs]

and is typically at a much higher frequency than @, .

0,

(3.127)

EXAMPLE 3.9

Use the parameters in Example 3.3 and assume that R;, = 180 kQ, C, =
10 pF, Cyq, = 0.2 pF, Cyy; = 15 fF, Cyp, = 40 fF, and G;, = 30 fF. Find
0, Q, and the frequency of the zero for the source follower in Fig. 3.34.

Solution

From Example 3.3, we have g.; = 1.06 mA/V, ry, = 128 k&, ryey =
128 k2, and g, = 0.16 mA/V. Thus, we have

Cin = Cin+Cyqy = 45 fF (3.128)
Gg; = 951 +Qas: + Gas2 = 176 mA/V (3.129)
C, = C_+C,, = 10.04 pF (3.130)

and so we can find ®, as

}\/ Gin(gml + G;l)
Cgles + C’in(Cgsl + Cs)

524 % 10" rad/s = 27 x 8.34 MHz (3.131)

_ »\/Gin(gml + Gsl)[Cgslcs +C%(Cyey + Co)]
GinCs + Cl, (9m) + Gg)) + €y, G (3.132)

(DU=

Q

=08
This results in an overshoot for a step input given by

W1 g, (3.133)

The zero frequency is found using (3.127) to be 844 MHz, and thus it can
almost certainly be ignored.

% overshoot = 100e™™

A bipolar-transistor emitter follower is very similar to a CMOS source follower,
and therefore its high-frequency analysis is not included here. However, note that the
problem of complex-conjugate poles can be more severe for bipolar emitter followers.

For both CMQOS source followers and bipolar emitter followers, when complex-
conjugate poles occur, they can be eliminated by adding a compensation network. To
see this, note that (3.118) can be rewritten as

- T T R T SR B A R A A S A
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Y, = soz+-_-.-_-l—- (3.134)
— l_s_Cl
where
_ Cgsl(ngml_Cgslc‘sl) - gmlcgslcs
l (gml+Gsl)(Cgsl+Cs) - (gm1+Gsl)(Cgsl+Cs)
C C.)? C C.)?
R, = (Cgs1 + Cs) = Boa G0 (3.135)
Cgsl(csgml_cgsles‘l) Cgslcsgml
C2 - Cgsics
Cgs1 + G

and the approximations result from the fact that typically C; > Cyq and gm, > Gy
This is the same admittance as the circuit shown in Fig. 3.37. Thus, the input admit-
tance is the same as a capacitor in parallel with a series combination of a negative
capacitor and a negative resistor. If a third network consisting of a capacitor of size
C, and a resistor of size R, in series, is connected to the gate of the source follower,
as shown in Fig. 3.38, then the negative elements are cancelled. The resulting input
admittance is then simply C,, as given in (3.135). In this case, (3.120) becomes

v
ii‘ = L C (3.136)
in Gi S(C', gsl“s )
A T e ¥ C,
and (3.122) becomes
Cys
v (1 + 85— 1)
A(s) = 2 = Hin( g"”G ) Im: (3.137)
lin gml"' 51 (1 +i)(1+i)
Py P
where
G‘in Gin
p, = = — (3.138)
| c’ ..._C@ Cin +Coan
" Cys1 +CL

Fig. 3.37 A circuit that has the same admittance as the input
impedance looking into the gate of a source follower [and
ignoring Cgq ).
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- |
I 1
G,
Iin

il
Rin Cin:[

- - - Ibias

Fig. 3.38 Addition of a compensation network {C, ond Ry} to
compensate for the negative components of the admittance looking
into the gate of the source follower.

5, = gm1 + Gg) - 9m + Gy
© Cy+Cy h C,

(3.139)

The approximation is accurate when Cg >> Gy Regardless of the approximation,
the poles are now guaranteed real, and no overshoot will occur,

Therefore, when designing source followers (or emitter followers), the recom-
mended procedure is to check to see if the poles are complex by using either (3.126)
or a SPICE transient analysis to look for overshoot. When the poles are complex, then
increase either C,,, C,, or both, or, alternatively, add the compensation network, as
shown Fig. 3.38.

EXAMPLE 3.10

Using the same parameters as in Example 3.9, find the compensation network
and the resulting first and second poles of the source follower in Fig. 3.34.

Solution
Using (3.135), we have
m1Cgs1Cs
= = 0.170 pF (3.140)
"= (G +Ga1)(Cqa + Co) ’
and :
C C.)?
= ©os1 +©07 . 403 k0 (3.141)
Cys1CsOmi

The capacitor is a reasonable value to be realized on chip. The resistor can be
realized by a MOS transistor biased in the triode (i.e., linear) region. Assuming
the compensation network is used, the poles of the transfer function then
become

Gin
Cgsl + C’m

P, = 21 x 3.6]1 MHz (3.142)

P L
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and

+G
= Omit s 193 MHz (3.143)

P2
Cgs +C,
The speed penalty paid for using the compensation network is quite high,
because the pole frequency without compensation was around 8 MHz whereas
here the dominant pole is at 3.6 MHz.

Finally, it should be mentioned that if the source-follower buffer is intended to be
used in an opamp (and thus feedback will be placed around the buffer), and if the res-
onant frequency of the source follower is substantially greater than the unity-gain fre-
quency of the amplifier, then the overshoot can be tolerated, and no compensation
network 1s necessary.

Common-Gate Amplifier

The frequency response of the common-gate stage is usually superior to that of the
common-source stage due to the low impedance, r;,, at the source node, assuming G,
is not considerably smaller than gy, Analysis of the frequency response of the com-
mon-gate stage is left as an exercise for the reader.

-

High-Output Impedance Mirrors

Both the Wilson and the cascode current mirrors introduce high-frequency poles into
the signal transfer function. The approximately equivalent time constant of these poles
is Cyg/gm- The proof of this statement can been found by doing a high-frequency,
small-signal analysis (where the capacitances of the small-signal models are included
in the analysis). This analysis is left as an exercise for the réader.

Cascode Gain Stage

The exact high-frequency analysis of a cascode gain stage (Fig. 3.16) is usually left to
simulation on a computer; however, an approximate analysis is not too complicated.
At high frequencies, the time constant due to the output node almost always domi-
nates since the impedance is so large at that node. The total capacitance at the output
node, G is the parallel combination of Cgg, + Cyy,, the load capacitance C, and
the output capacitance of the bias current source, C,,, (normally, C, is the major
contributor). Assuming that the time constant at the output stage dominates, the —3-dB
frequency is approximately equal to the inverse of the time constant. In other words,
we have

1 2Q4s

(3.144)

W_348 =

I:"outCL ngL
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A more accurate (though still not exact) estimate may be found using the zero-
value time-constant analysis method of {Gray, 1993]. The advantage of this estima-
tion technique is that it gives some insight into the relative importance of each
capacitor in determining the overall -3-dB frequency. The small-signal model being
analyzed is shown in Fig. 3.39, where

Cez = Capi + Ceba + Cyso

(3.145)
Cur = Cga2+Cap2+ CL+ Cpias

In the zero-value time-constant analysis, all independent sources are set to zero (i.e.,
here, V,, is set to 0 V) and each capacitor is considered in turn with all other capacitors
set to zero. The corresponding time constant is found and labeled tg;. Then the —3-dB
frequency, ®_; 45, is estimated to be 1 divided by the sum of all the time constants.

In this circuit, the first time constant found is the one that corresponds to Cgg1,
and it is labelled T¢gq,. The resistance seen by Cgs1is Rip, and therefore,

Togst = Cgslﬁin (3.146)

The calculation of the time constant corresponding to Cg4, is more involved, so
formal methods are used in its calculation. Cgq, is replaced by a voltage source, V..
Next, the resistance seen by Cgq, is found by calculating the ratio of V, to iy (the
current leaving V, ). The final time constant is then given by this resistance multiplied
by Cgqq1. The smali-signal model for this analysis is shown in Fig. 3.40(a), where the
resnstance Ry is the parallel combination of rye; and the impedance seen looking into
the source of Q, (the cascode transistor) at low frequencies. The circuit of
Fig. 3.40(a) can be redrawn as the equivalent eircuit shown in Fig. 3.40(b). In this
transformation, we changed the ground node (which node is called ground is arbitrary
in an analysis) and the direction of the voltage-controlled current source. Notice that
the circuit of Fig. 3.40(b) is essentially the same as the circuit of Fig. 3.13, which was
used for finding the output impedance of a source-degenerated current source. The
analysis here is essentially the same as that used in Fig. 3.13, but will be included here
for clarity. We have

Vy = iRin (3.147)
Also,
x = (v,(—vy)G(,lwgmlvy (3.148)
‘J— 0 Yout
OmaVso
Ny S ] =
V r—

o A
1444

Fig. 3.39 The small-signal model of the cascode gain stage.
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Fig. 3.40 Two equivalent small-signal models for calculating the resis-
tance seen by C_gy.

Substituting (3.147) into (3.148) and solving for v, /i, gives

VX
fogar = — = Raill + Rin(Gy; + Gmy)) (3.149)

lx
The admittance looking into the source of the cascode transistor, Q,, was found previ-
ously in (3.52). Namely,

Yo = Oae (3.150)

The impedance, Ry, is the parallel combination of this admittance and ry;. There-
fore, we have

Iy
Ry = "'ZS (3.151)

Substituting this resuit into (3.149), we have

ly
fogdr = ?s[l +Rin{284s + Gm1)]
(3.152)
I'ds
= —(1+ gmlﬂin)
2
and therefore
. Fas
Tegal = Cgm?(l + Omi Rin) (3.153)

If Ry, is large, say, on the order of a transistor output impedance, r4;, then this time
constant is approximately given by

Imlss
2

Tegdt = Cgan (3.154)

This time constant can be almost as large as the corresponding time constant for a
common-source amplifier—a fact not well known.
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The resistance seen by capacitor Cg, is fyg, in parallel with the impedance seen
looking into the source of Q,, which, from (3.52), is approximately fgys. Thus, we have
T
Tee = Csz$ (3.155)
The resistance seen by Cy, is the output impedance of the cascode amplifier,
which is approximately given by (gmi’ ds)/ 2 from (3.50). Thus, the time constant due
to Cy, is given by

Imlés
2
Note that this time constant has the same form as (3.154), but normally Cy, will be

much larger than Cgq, (because C, is often large), making T¢q, dominate.
The sum of the time constants is then given by

Teqr = Cygo (3.156)

Tiotal = TCgsl + Tngl +Tesz2 + Tea2

r r (3.157)
CgsiRin + nglgmzds + Csz“;_s + Cdzgmz d

n

The —3-dB frequency, ®_; 4p, is estimated to be 1/ Tyya)-

EXAMPLE 3.11

Assume that for both the input transistor and the cascode transistor, g, =
1 mA/V, g = 100 kQ, R, = 180kQ, C, = 5pF, Gy = 0.2 pF, Cyy =
15 fF, C4, = 40 fF, Cy, = 20 fF, and C,;,¢ = 20 fF. Estimate the -3-dB
frequency of the cascode amplifier of Fig. 3.16(a).

Solution

The time constants associated with each capacitor are readily evaluated using
(3.157). First, note that

Cs2 = Cup1 +Csp2 + Cgsz = 0.26 pF

(3.158)
Cdl = ng2 + Cdb2+CL+Cbias = 5.055 PF
We have
Tcgsl = Cgs]Hin = 36 ns
O3
‘chd] = ngl m ds = 75 ns
(3.159)

Mis
1032 = 052 2 = 13 ns

Omfds
=253
2 K

Tea2 = Caz




3.11 Frequency Response 167

As expected, the time constant at the output node dominates, and the second
most important time constant is that due to C,4,, although its effect on the —3-dB
frequency is negligible. Therefore, the —3-dB frequency is accurately given by
®_ 345 = 1/Te4, = 2R x6.3kHz.

Before leaving this section, some comments should be made about the high-
frequency operation of cascode-gain stages. As we just saw, typically one pole domi-
nates, and thus we can reasonably model the amplifier gain as

AV
Ay = —— (3.160)
l+8/@ ;45
Thus, at frequencies substantially larger than ®_; 45, which is usually the frequency
band of operation, the gain is approximately given by
A, Omsi

A(s) = = 3.161

using (3.54) and (3.144). It should also be noted that the approximations of (3.144)
and (3.161) are quite good, unless either the source impedance or source capacitance
is very large. In addition, at frequencies much larger than the —3-dB frequency, the
admittance at the source of Q, can be found by using (3.51), where G, is replaced by
G +sC_. Such a substitution results in

Q2

Ggs2
G, +sC,

G, +sC, (3.162)
- g 2SC)
Gas2 + G +8C

Yinz =
1+

At frequencies where ®>>1/(ryC|), the terms in s dominate, and Y., =
Om,- The approximate time constant due to the node at the source of Q, is then
simply given by the total capacitance at that node divided by g,,,. The total
capacitance at the source of Q, is Cgyq, in parallel with Cgyy,, in parallel with
Cgq1- Because this capacitance is not excessively large and the impedance at the
node, 1/gp,, is small, the time constant at that node can uvsually be neglected.
However, in amplifiers with a small source impedance, this node would still be the
primary factor determining the second pole of a cascode amplifier. It is easy to
derive an upper bound on the time constant at the source of Q,. Almost always,
Cgp; in parallel with Gy, is less than Cgsz- Therefore, the total capacitance at
the source of Q, is equal to KC,, where K is between I and 2 (usually closer
to 1). Using
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Gmz = HsCox f) Vers (3.163)
2

for the folded-cascode amplifier (for the telescopic-cascode amplifier, substitute p,
for Wp), and using

2 .
CSZ = KCgSZ = Kg(WL)ZCOX (3164)

gives the approximate frequency of the second pole (ignoring the time constants at
other nondominant nodes):
1 _ G2 _ 3upveffz>3upveff2

W, = — = — =
P27, Cgn  2KL3 413

(3.165)

This equation is an upper limit on the unity-gain frequency of any amplifier that uses
a cascode gain stage. Note that (3.165) is relatively independent of that actual design
once Vg, is chosen, and Vg, is usually determined by maximum signal-handling
requirements. Also note that @, has a very strong dependence on the channel length.

EXAMPLE 3.12

Estimate the lower bound on the frequency of the second pole of a folded-cascode
amplifier for a 0.8-um technology, where a typical value of 0.25 V is chosen for
Vetta - B

Solution

Normally, the minimum length of a cascode transistor in an analog circuit might
be 25 to 50 percent of the minimum length of transistors used in digital circuits.
Therefore, assuming L, = 1.5-0.8 uym = 1.2 um, and uwsing W, = 0.02
m’/V-s, and Vetrz = 0.25 V, we have wy,; > 1.7x10°% rad =27 - 276 MHz.
For a telescopic-cascode amplifier, the upper bound would be 690 MHz. In
most practical opamp designs, the unity-gain frequency of a typical design
might be limited to around one-half the frequency of the lower bound second
pole. In this example, the typical unity-gain frequencies would be 138 MHz and
345 MHz for the folded-cascode and telescopic-cascode amplifiers, respec-
tively. '

Finally, the time constant at the gate of the input transistor can be important when
the source resistance is large, though not as important as in a common-source stage,
since a cascode gain-stage does not suffer as much from a Miller effect. In other
words, at high frequencies, the effective impedance at the source of Q, has decreased
to 1/Qpm3, and there is not much gain from the gate of Q, to the source of Q,. Recall
that in a common-source amplifier, the effective size of ng, was magnified by the
gain of the common-source amplifier.
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3.12 SPICE SIMULATION EXAMPLES

In this section, circuit diagrams, netlists, and simulation results for selected examples
in this chapter are presented. Each of the netlists contains the circuit elements and
commands used in the simulations, but does not contain transistor model parameters.

Simulation of Example 3.2

The circuit for Example 3.2 is shown in Fig. 3.41 where a 5-V power supply is used.
The bias voltage, V;,, has to be set such that both Q, and Q, are in the active region,
and approximately 2.5 V appears across the drain-source nodes for each of them.

NETLIST:

vdd 1 0 de s

ibias 2 0 dc 100u

m3 2 2 1 1 pmos wW=100u 1=1.6u
m2 3 2 1 pmaos w=100u |=1.6u
ml 3 4 0 0 nmos w=100u |=1.6u
vin 4 0 dc 0.849 ac 1

.op

.ac dec 10 tk 10000Meg

-print vdb(3)

.option post
Jib *..Jemos_models” library
.end

The frequency plot for this simulation is shown in Fig. 3.42. Note that the gain is
36 dB, which correspends to approximately 63 V/V.

Simulation of Example 3.3

The circuit for Example 3.3 is shown in Fig. 3.43, where it should be noted that the
body of Q, is tied to ground, rather than to its source.

1 ' 1 ‘/Active load
Q, I“‘r_2"—| Q.
2
Ibias
0

Fig. 3.41 Circuit for Example 3.2.
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Fig. 3.42 Frequency simulation result for the common-
source amplifier.

Vaa
1 Vin 0—'
4
Tyias aut
2 Q, -
Q,
2 Active load
0= Fig. 3.43 Circuit for Example 3.3.
NETLIST:
vdd 1 0 dc 5
ibias 1 2 dc 100u
m3 2 2 0 0 nmos w=100u |=1.6u
m2 3 2 0 0 nmos w=100u |=1.6u
ml | 4 3 0 nmos w=100u |=1.6u
vin 4 0 dc2acl
.0p
.ac dec 10 1k 1000Meg
.print vdb(3)

.option post
Jib “. /emos_models™ library
.end

The frequency plot for this simulation is shown in Fig. 3.44. The gain is -1.3 dB,
which corresponds to 0.86 V/V.
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Fig. 3.44 Frequency plot for the source-follower circuit.

Simulation of Example 3.8

The circuit for Example 3.8 is shown in Fig. 3.45.

NETLIST:
vdd 10 dc5
ibias 2 0 dc 100u
m3 2 2 1 1 pmos w=100u I=1.6u
m2 3 2 1 t pmos w=100u I=1.6u
ml 3 4 0 0 nmos w=100u I=1.6u
rin 5 4 180k
vin 5 0 dc 0.849 ac 1.
cl 3 0 0.3p
.op
.ac dec 20 1k 100Meg
.print vdb(3)
1
Vad
Qs I—o-—-|2
2
Ibias
5
n R

Fig. 3.45 Circuit for Example 3.8.
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Fig. 3.46 Estimate of the -3-dB frequency for a common-
source amplifier.

.optien post
lib “.fcmos_models” library
.end
The frequency plot for this simulation is shown in Fig. 3.46, where we see that
the —3-dB frequency occurs around 460 kHz.
Simulation of Example 3.9

The circuit for Example 3.9 is shown in Fig. 3.47.

NETLIST:

vdd 1 0 dc 5

vss 2 0 de -5
ibias 3 2 dc 100u
rin 4 0 180k

Fig. 3.47 Circuit for Example 3.9.
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Fig. 3.48 The step response of a source follower,
showing a 10-percent avershoot.

cin 4 0 30f

cl 3 0 10p

ml 1 4 3 2 nmos w=100u |=1.6u
iin 4 0 pulse (0 —5u 10n 0 0)
.0p -

.option post

tran 0.5n 300n

.print v(3)

lib *../cmos_models” library

.end

The step response of the source follower is shown in Fig. 3.48. The overshoot
here is about 10 percent.

Simulation of Example 3.10

The circuit for Example 3.10 is shown in Fig. 3.49. The compensation network that
eliminates the complex conjugate poles is included. The simulation is used to obtain
the frequency plot from which the first and second poles of the resulting source fol-
lower are determined.

NETLIST:

vdd 1 0 dc 5
VsS 0 dc -5
ibias 3 2 dc 100u
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Fig. 3.49 Circuit for Example 3.10.

110

Vou!L,, (08}
2

kg

rin 4 0 180k

cin 4 0 30f

cl 3 0 10p

ml 1 4 3 2 nmos w=100u |=1.6u
iin 4 0 dcOacl

cl 4 5 0.17p

rl 5 0 49.3k

.op

.print vdb(3)

dib “.femos_models” library

.end

-

The frequency plot of this source follower is shown in Fig. 3.50. The first pole
occurs around 3.6 MHz, whereas the second pole occurs around 16 MHz.

W

10

~20 dB/dedade

~40 dB/decade

. .
10t 10° 10° 10 10* 19

Frequency [Hz]

Fig. 3.50 The bode plot of a source follower with a
compensation network.

S el
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Simulation of Example 3.11
The circuit for Example 3.11 is shown in Fig. 3.51. Notice that Q, through Qg form

a cascode current mirror to produce ly,.. The width and length of the p-channel tran-
sistors are chosen such that their gy, and ry; are matched to those of the n-channel

transistors.
NETLIST:
vdd 1 0 dc 5
ibias 6 0 de 100u
m4 6 6 7 1 pmos w=390u |=2u
m35 7 7 1 1 pmos w=390u 1=2u
mb 8 7 1 1 pmos w=390u |=2u
m3 2 6 8 1 pmos w=390u 1=2u
m2 2 3 4 0 nmos w=100u I=1.6u
m1l 4 5 0 0 nmos w=100u |=1.6u
cl 2 0 5p
vhias 3 0 dc 2.5
vin 5 0 dc 0.8425 ac 1
.op
.ac dec 10 0.1 1000Meg
.print vdb(2)
.option post -
Jib “../cmos_models™ library
.end

The frequency plot of this cascode amplifier is shown in Fig. 3.52. The gain at dc
is 80 dB (i.e., 10,000 V/V) and has a —3-dB frequency around 2 kHz.

Fig. 3.51 Circuit for Example 3.11,
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3.14 PROBLEMS

Unless otherwise stated, assume the following:

« npn bipolar transistors:

p =100
Va=80V
T, = 13 ps
1, = 4 ns
r, = 330 Q

¢ n-channel MOS transistors:
u,Coy = 92 HA/V?
Vi, =08V E
y= 05 v/ »
Fys () = &, OOOL (um)/Ip (MmA) in active region
C,=24x107 pﬁqumf
Ciow=20x% 10 pF/um
C,,=19x10 3 pF/(um)®
Cgs(oveﬂap) = Cygiovertapy = 2:0x 10" PF/l»tm

» p-channel MOS tran51stors:
HpCox = 30 uA/V
Vip=-09V
y=08V'"

S A e e A B T R,
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38
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Fgs () = 12, OOOL (um)/Ip (mA) in active region
C=45x10"" pF/(um)2

stw—25>< 10 pF/pum

Cux = 1.9x 10 pF/(um)* .
Cgs(overlap) - ng{oveﬂap) = 20x10 pF/pm

Consider the current mirror shown in Fig. 3.1, where 1, = 80 [LA, transistor
Q, has W/L = 100 pm/ 1.6 um, and transistor Q, has W/L =

25 um/1.6 pm. Find the nominal cutput current as well as the output imped-
ance, T, ;. Also, find the minimum output voltage such that both transistors
remain in the active region.

For the common-source amplifier in Fig. 3.4, derive the relationship between
the bias current, I;,, and the dc gain. Assume all transistor sizes are the same.

For the common-source amplifier in Fig. 3.4, assume there is a load capacitor,
C,, that dominates the frequency response. Derive the —3-dB frequency of the
amplifier. Find the relationship between the —3-dB frequency and the bias cur-
rent, Iyiae. Assume all transistor sizes are the same.

In the high-frequency analysis of a common-source amplifier, show that the
transfer function given in equation (3.103) can be derived from nodal equations
(3.101) and (3.102).

Find the —3-dB frequency of the common-source amplifier in Fig. 3.4, assum-
ing that all transistors have W/L = 75 um/1.6 um and that I;;,5 = 75 pA.
The first step is to estimate the areas and peripheries of the junctions based on
simple layout rules. In this step, assume eaclt transistor is composed of three
gate stripes. Based on this geometry. the next step is to estimate the parasitic
capacitances of the small-signal model. In this step, assume the dc bias voltage
of the output node is halfway between ground and the 5-V power-supply
voltage.

Derive the low-frequency output impedance of the source follower shown in
Fig. 3.6.

Derive an equation for the impedance looking into the source of a source fol-
lower. Use a small-signal model similar to that in Fig. 3.8, but do not take into
account G, and Rg,.

Repeat Example 3.9, but assume G| = 0.5 pF when (a) the source is not con-
nected to the substrate, and () the source is connected to the substrate.

Repeat Example 3.10, but assume C; = 0.5 pF when (a) the source is
not connected to the substrate, and (&) the source is connected to the sub-
strate.

Assume that the common-gate amplifier of Fig. 3.9 has a bias current of

0.1 mA and that all transistors have a W/L of 100 um/1.6 um. Also assume
the following:

Fgsn () = 8,000L (um)/Ip (mA)

lsp () = 12,000L (um)/Ip (mA)
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3.11

312

313

3.14

3.15

3.16

317

iR e

R, = 180 kQ
C_=1pF
Cge = 0.2 PF
Coo = IS fF
C.y = 40 (F
Cyp = 20 fF

And assume the input source has a 30-fF output cap:icilance. Find the —3-dB
frequency of the amplifier.

Derive the output impedance of the current mirror shown in Fig. P3.11, where
a diode-connected transistor has been included in series with the source of the
output transistor.

| l Rout
[
Vre1 0—| Q1

Q,
= Fig. P3.11

A MOS n-channel cascode current mirror has a bias current of 0.1 mA and
transistor sizes given by W/L = 50 um/1.6 pm. What is the minimum out-
put voltage allowable across the current mirror without any transistors entering
the triode region?

Using small-signal analysis, find the output impedance of a MOS cascode cur-
rent mirror. Include in your analysis the voltage-dependent current source that
models the body effect.

Using small-signal analysis, find the equation for the output impedance,

Fout» Of @ MOS Wilson current mirror, and show that it is approximately
given by

gmlrdsl)
2

Ignore the body effect. Remember to include the effect of the output imped-
ance of the input current source.

fout = rds4(

Repeat Problem 3.14, but include the voltage-dependent current source that
models the body effect.

Repeat Example 3.11, in which a cascode amplifier is analyzed to find its -3-dB
frequency, but assume C, = 0.5 pF.

Derive an expression for the frequency at which the magnitude of the gain of a
cascode amplifier has decreased to unity. What is this value when the parame-
ters of Example 3.11 are used, except that C, = 2 pF?
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Derive the current gain, 1,/ I,,, for the bipolar current mirror shown in

Fig. 3.22, and show that, for B >> 1. this gain is 1 — 2/[. (Neglect finite out-
put impedances.)

Derive the current gain, I,/ 1, , for the bipolar current mirror shown in

Fig. 3.23, and show that, for f§ >> 1, this gainis 1 -2/ Bz. {Neglect finite out-
put impedances.}

For the bipolar cascode current mirror shown in Fig. 3.25{(a), derive the current
gain, L,/ I, . and show that, for large B, this gain is given by

For the bipolar Wilson current mirror shown in Fig. 3.25(b), show that the cur-
rent gain, I,/ [, is given by
Iout =1 2

L Bi+2B+2

Derive the output impedance of the simple bipolar current mirror shown in Fig.
P3.22. Take the finite output impedance, r,, into account for both transistors.
What is the required value for R, and what is the output impedance if we want
the transistors to be biased at (.2 mA ?

VDD = 5 V
F{bias IJ Hom -
!

Q, Q,

Fig. P3.22

For a common-source amplifier similar to that in Fig. 3.4 but realized using
bipolar transistors, derive the relationship between the bias current, Iy, and
the dc gain.

Derive the -3-dB frequency of a bipolar common-emitter amplifier.

Derive the low-frequency gain and output impedance of a bipolar emitter fol-
lower that is biased with a current mirror. What are these values for a 0.5-mA
bias current?

Derive the low-frequency input impedance and the gain of a bipolar common-
base amplifier.

For the circuit shown in Fig. P3.27, show that the output impedance, ;. is
approximately given by

Fout = Foa(1+ Gma(Re Nl 1))
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3.28

3.29

3.30
3.31

I lRoul
|

RQ
= Fig. P3.27

Taking into account the finite current gain of bipolar transistors, but ignoring
the finite output impedance, find the large-signal current gains of cascode and
Wilson current mirrors.

Assuming B >> 1 and g,,r, >> B, show that the output impedance of a bipolar
Wilson current mirror is approximately given by

Br,

Mout 2

Repeat Problem 3.29 for a bipolar cascode current mirror.

For the differential-input stage in Fig. 3.19, assume that I, = 0.1mA, all
transistors have W/L = 100 pm/ 1.6 im, and the load capacitance is
100 pF. Find the dc gain and the —3-dB frequency.

-




CHAPTER

4

Noise Analysis and
Modelling

To develop good analog circuit design techniques. a basic understanding of noise
sources and analysis is required. Another motivation to study noise analysis is (0 learn
basic concepts of random signals for a proper understanding of oversampling convert-
ers. The purpose of this chapter is to present some fundamentals of noise analysis fol-
lowed by an introduction to electronic noise sources and circuit analysis.

It should be mentioned here that this chapter deals with inherent roise as opposed
to interference noise. Interference noise is a result of unwanted interaction between
the circuit and the outside world, or between different parts of the circuit itself. This
type of noise may or may not appear as random signals. Examples are power supply
noise on ground wires (such as a 60-Hz hum) or electromagnetic interference between
wires. Interference noise can be significantly reduced by careful circuit wiring or lay-
out. In contrast, inherent noise refers to random noise signals that can be reduced but
never eliminated since this noise i1s due to fundamental properties of the circuits.
Some examples of inherent noise are thermal, shot,"and flicker noise. Inherent noise is
only moderately affected by circuit wiring or layout, such as using multiple base con-
tacts to change the resistance value of the base of a transistor. However, inherent
noise can be significantly reduced through proper circuit design, such as changing the
circuit structure or increasing the power consumption.

The outline of this chapter is as follows: First, a time-domain analysis of noise
signals (or other random signals) is presented. Here, basic concepts such as rms value,
signal-to-neise ratio, and noise summation are presented. Nex(, a frequency-domain
analysis of noise is presented. As with deterministic signals, analysis in the frequency
domain results in more powerful analysis tools than does analysis that remains strictly
in the time domain. Noise models for circuit elements are then presented, and finally,
two circuit noise analyses are performed to give the reader some experience in such
analysis.

4.1 TIME-DOMAIN ANALYSIS

Since inherent noise signals are random in nature, we define here some basic tools to
effectively deal with random signals. Specifically, in this section, we define the fol-
lowing terms in the time domain: rms value, SNR, dBm, and noise summation.
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Fig. 4.1 Example of a voltage noise signal {time domain).

An example of a random noise signal in the time domain is shown in Fig. 4.1,
Although this signal here is a voltage signal, it could just as easily be current noise or
some other quantity. It should be noted that this noise signal appears to have an aver-
age value of zero. In fact, throughout this chapter we will assume all noise signals
have a mean value of zero, which simplifies many of the definitions and is also valid
in most physical systems. h

Rms Value

Consider a noise voltage, v,(t), such as that shown in Fig. 4.1, or a noise current,
i(t). The rms, or root mean square, voltage value is defined' as

1 172
Vagms) = [.—rJZvﬁ(t) dt} (4.1)

where T is a suitable averaging time interval. Typically, a longer T gives a more
accurate rms measurement. Similar_ly, the rms current value is defined as

1 172
Logms) = [.T-j:ii(t) dt:l (4.2)

The benefit in knowing the rms value of a signal is that it indicates the normalized
noise power of the signal. Specifically, if the random signal v,(1) is applied to a 1-Q
resistor, the average power dissipated, Py, in watts, equals the normalized noise

1. For those more rigorously inclined, we assume throughout this chapter that random signals are ergodic,
implying their ensemble averages can be approximated by their time averages.
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power and is given by

VZ
( ) 2
Pdiss = r;r(n;s = ¥Ynirms) 4.3)

This relationship implies that the power dissipated by a resistor is the same whether a
random signal or a dc level of k volts (rms) is applied across it. For example, a noise
signal with an rms value of 1 mV (rms) dissipates the same power across a resistor as
a dc voltage of 1 mV.

Similarly, for a noise current, i.(t), applied to a 1-£2 resistor,

2 2
Paiss = Tnemsy X182 = Liime (4.4)

2 2 .
As a result, the square of the rms values, V| s and Ij g . are sometimes referred
to as the normalized noise powers of these two signals.

SNR

The signal-to-noise ratio {SNR) value (in dB) of a signal node in a system is defined as

(4.5)

signal power
noise power

SNR = IOIOg[

Thus, assuming a node in a circuit consists of a signal, v,(1) , that has anormalized signal
2 . ) 2 .
power of V) and a normalized noise power of Vs, the SNR is given by

n(rms)

V)z( rm VX rm
SNR = 1010g|:—2(—$)} = 2010g|:—(——5)} {4.6)

n(rms)

Clearly, when the mean-squared values of the noise and signal are the same, then
SNR = 0 dB.

Units of dBm

Although dB units relate the relative ratio of two power levels, it is often useful to
know a signal’s power in dB on an absolute scale. One common measure is that of
dBm, where all power levels are referenced by 1 mW. In other words, a 1-mW signal
corresponds to ¢ dBm, whereas a 1-uW signal corresponds to —30 dBm. When volt-
age levels are measured, it is also common to reference the voltage level to the equiv-
alent power dissipated if the voltage is applied across either a 50-£2 or a 75- ) resistor.

EXAMPLE 4.1

Find the rms voltage of a 0-dBm signal referenced to a 50-€2 resistor. What is
the level in dBm of a 2-volt rms signal?
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Solution

A 0-dBm signal referenced to a 50-Q resistor implies that the rms voltage level
equals

Vims, = (50 Q) x 1T mW = 0.2236 (4.7)

Thus, a 2-volt rms signal corresponds to

2.0
fog{ =2\ = 194B 48
Og(o.zzse) o (4.8)

and would dissipate 80 mW across a 50-€ resistor.

Note that the measured voltage may never be physically applied across any 50-)
resistor, The measured voltage is referenced only to power levels that would occur if
the voltage were applied. Similar results are obtained if the power is referenced to a
75-€) resistor.

Noise Summation

Consider the case of two noise sources added together, as shown in Fig. 4.2. If the rms
values of each individual noise source are known, what can be said about the rms
value of the combined signal? We answer this question as follows. Define v (1) as

Vool = V(1) + Vol 4.9)

where v, (1) and v, ,(t) are two noise sources with known rms values Vs, and
V2(rms) - respectively. Then we can write

2 1T
Vioirmsy = —T—J-ﬂ EVai (D) + Voa(h1* dt (4.10)
which, when expanded, gives,

2 2 207
V:m(rms) = Viiims) + Viz(rms) + -T-jovm(t)vnz(t) dt 4.11)

V(D t ol
Vnolt)

) i 4(D) inz(t)

(a) (b}

Fig. 4.2 Combining two noise sources, {a} voltage, and {b] current.
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Note that the first two terms in the right-hand side of (4.11) are the individual mean-
squared values of the noise sources. The last term shows the correlation between the
two signal sources, v, (t) and v,,(t). An alternate way to write (4.11) that better indi-
cates the effects of signal correlation, is to define a correlation coefficient, C, as

1T
= oV OVaatt

C= (4.12)
Vn1 (rms)vnz(rms)

With this definition, (4.11) can also be written as

2 2 2
Vno(rms) = an(rms) + Vn2'(rms) + 2CVn1(rms)Vn2(rms) (413)

It can be shown that the correlation coefficient always satisfies the condition
—-1<C £1. Also, a value of C = £l implies the two signals are fully correlated,
whereas C = 0 indicates the signals are uncorrelated. Values in between imply the
signals are partially correlated. Fortunately, we have little reason to analyze partially
correlated signals since different inherent noise sources are typically uncorrelated.

In the case of two uncorrelated signals, the mean-squared value of their sum is
given by

2 2 2
Vno(rms) = Vn](rms)+vn2[rms) 4.14)

This relationship indicates that two rms values add as though they were vectors at
right angles to each other (i.e., orthogonal) when signals are uncorrelated.

It is of interest to contrast this uncorrelated case with that for fully correlated signals.
An example of two fully correlated (though deterministic) sources are two sinusoidal
signals that have the same frequency and a phase of 0 or 180 degrees with each other.
In this fully correlated case, the mean-squared value of their sum is given by

2
Vno(rms) = [Vnt(rms) ile(rms)]2 4.15)

where the sign is determined by whether the signals are in or out of phase with each
other. Note that, in this case where the signals are fully correlated, the rms values add
linearly (similar to aligned vectors).

EXAMPLE 4.2
Given two uncorrelated noise sources that have Vi .5 = 104V and
Vizimsy = 3 UV, find their total output rms value when combined. If we are
required to maintain the total rms value at 10 pV, how much should Vms)
be reduced while V5 ms, remains unchanged?
Solution
Using (4.14) results in
Viormss = (10°45%) = 125(uV)* (4.16)

which results in Vo imgy = 11.2 V.
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To maintain V,,me; = 10 WV and V5 ms, = 5 WV, we have
10° = Vi ime) + 5° (4.17)

which results in V) ms, = 8.7 UV. Therefore, reducing V,yms, by 13 per-
cent is equivalent to eliminating V5 ..s, altogether!

The above example has an important moral. To reduce overall noise, concentrate
on large noise signals.

4.2 FREQUENCY-DOMAIN ANALYSIS

As with deterministic signals, the frequency-domain techniques are useful for dealing
with random signals such as noise. This section presents frequency-domain tech-
niques for dealing with noise signals and other random signals. It should be noted that
units of hertz (Hz) (rather than radians/second) are used throughout this chapter since,
historically, such units have been commonly used in the measurement of continuous-
time spectral densities.

Noise Spectral Density

Although periodic signals (such as a sinusoid) have power at distinct frequency loca-
tions, random signals have their power spread out over the frequency spectrum. For
example, if the time-domain signal shown in Fig, 4.1 is applied to a spectrum ana-
lyzer, the resulting spectrum might look like that shown in Fig. 4.3(a). Note here that
although the horizontal scale is the usual frequency axis, the vertical scale is in units
of microvolts-squared/hertz. In other words, the vertical axis is a measure of the nor-
malized noise power {mean-squared value) over a 1-Hz bandwidth at each frequency
point. For example, the measurement at 100 Hz in Fig. 4.3(a) indicates that the nor-
malized power between 99.5 Hz and 100.5 Hz is 10 (;1‘\/)2 .

Spectral density Root spectral density

L] T
10 10 100 1,000 ° (Hz) 0.1 1.0 10 100 1,000  (Hz)
(a) {b)

Fig. 4.3 Example of voltage spectral density (frequency domain), for [a) spectral density, and [b]
root spectral density.
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Thus, we define the noise spectral density, V: A(fy (or, in the case of current,

n(f)) as the average normalized noise power over a 1-Hz bandwidth. The units

of Vv (f) are volts-squared/hertz, whereas those of I; () are amps-squared/hertz. Also,
n(f) is a positive real-valued function.

It should be emphasized here that the mean-squared value of a random noise sig-
nal at a single precise frequency is zero. In other words, the mean-squared value of the
signal shown in Fig. 4.3(a) measured at 103 Hz is directly proportional to the band-
width of the bandpass filter used for the measurement. In a laboratory spectrum ana-
lyzer, the bandwidth of the bandpass filter 1s determined by the resolution-bandwidth
control. Thus, as the resolution bandwidth goes to zero, the mean-squared value also
becomes zero.” Conversely, as the resolution bandwidth increases, so does the mea-
sured mean-squared value. In either case, the measured mean-squared value should be
normalized to the value that would be obtained for a bandwidth of 1 Hz when the noise
spectral density is stated in units of v/ (Hz). For example, if the signal corresponding
to Fig. 4.3(a) were measured at around 0.1 Hz using a reselution bandwidth of
1 mHz , the mean-squared value measured would be 1 (pV) which, when scaled to
a 1-Hz bdndWldth, equals 1,000 (uV }/Hz.

An intuitive explanation of how a random noise signal is measured using a spec-
trum analyzer is as follows. A random noise signal has a frequency that is continually
changing through a broad continuum of frequencies. A spectrum analyzer is sensitive
to only a narrow frequency range that is the passband of its filter, and it measures the
mean-squared value in that range. The filter of the spectrum analyzer reacts with a
time constant approximately given by

~ L

W
where W is the bandwidth of the filter. For some of the time, the random signal has
the same frequency as the spectrum analyzer’s filter. Thus, the spectrum analyzer
effectively measures what percentage of time the random signal is in the frequency
range of its filter. The narrower the bandwidth of the filter, the less percentage of time
the signal is within its frequency range, and therefore the smaller is the spectrum ana-
lyzer’s output. However, if the signal is not a random signal wandering in and out of
the frequency range of the spectrum analyzer’s filter, but is a deterministic signal at
the center frequency of the filter, then the spectrum analyzer’s reading is independent
of the filter’s bandwidth.

It is often convenient to plot the square root of the noise spectral density when
we deal with filtered noise. Taking a square toot results in V,(f), as shown in
Fig. 4.3(b). We will refer to V (f) as the root spectral density which is expressed in
units of volis/root-hertz (ie., V/,,/H_z). In the case of current noise, the resulting
units are amps/root-hertz. Note that the horizontal axis remains unchanged although
there is a root-hertz factor in the vertical axis.

Since the spectral density measures the mean-squared value over a 1-Hz band-
width, one can obtain the toial mean-squared value by integrating the spectral density

{4.18)

2. Such a result would not occur when a 100-Hz sinusoidal waveform is measored.
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over the entire frequency spectrum. Thus, the rms value of a noise signal can also be
obtained in the frequency domain using the following relationship:

Viims) = J.Zvﬁ(f) df (4.19)
and similarly for current noise, i
Rimsy = JoLih af (4.20)

Finally, it should be mentioned here that the spectral density function, Vf,(f), is
the Fourier transform of the autocorrelation function of the time-domain signal, v (t).
This relationship is known as the Wiener—Khinchin theorem. It should also be noted
that the relationship just shown defines a one-sided spectral density function since the
noise is integrated only over positive frequencies as opposed to both negative and
positive frequencies, again primarily for historical reasons. A two-sided definition
results in the spectral density being divided by two since, for real-valued signals, the
spectral density is the same for positive and negative frequencies, and the total mean-
squared value remains unchanged.

EXAMPLE 4.3

What mean-squared value would be measured on the signal shown in Fig. 4.3 at
100 Hz when a resolution bandwidth of 30 Hz is used on a spectrum analyzer?
Answer the same question for a 0.1-Hz resolution bandwidth.

Solution

Since the portion of spectral density function is flat at about 100 Hz, the mea-
sured value should simply be proportional to the bandwidth. Since the noise
spectral density is 10 ( pV)Z/ Hz at 100 Hz, the output of a 30-Hz filter is
30 Hz x 10 (V) = 300 (uV)* (or an mms value of /300 pV).

For a 0.1-Hz bandwidth, the measured value would be 10 times smaller than
for a 1-Hz bandwidth, resulting in a value of 1 (].lV)2 {or an rms value of
1 puvy.

White Noise

One common type of noise is white noise. A noise signal is said to be white if its spec-
tral density is constant over a given frequency. In other words, a white noise signal
would have a flat spectral density, as shown in Fig. 4.4, where V (f) is given by

Vo = Voo (4.21)

and V,,, is a constant value.

BRI E = e BT 34 AP T LA it e gl 0w M A 2
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Vi(h
{MV } ol Root spectral density
Hz _ _ uv
32 Vah =V = 32%
1.0+
I I } t p

0.1 1.0 10 100 1,000 (Hz)

Fig. 4.4 An example of a white noise signal.

1/, or Flicker, Noise

Another common noise shape is that of 1/f, or flicker, noise.” The spectral density,
V,z,(f) , of L/f noise is approximated by
2

Vz kv
S0 = n (4.22)

where k, is a constant. Thus, the spectral density is inversely proportional to frequency,
and hence the term “1/f noise.” In terms of root spectral density, 1/f noise is given by

Ky
Vi = — (4.23)
N -
Note that it is inversely proportional to JE (rather than f). An example of a signal
having both 1/f and white noise is shown in Fig. 4.5. Note that the 1/f noise falls off at
a rate of —10 dB/decade since it is inversely proportional to ./f. The intersection of

the 1/f and white noise curves is often referred to as the 1/ noise corner (it occurs at
10 Hz in Fig. 4.5).

-10 dB/decade Rgot spectral density

6.2
/ Vi = 32X107) xf10 L i (1x10°%)?

1/f noise comer

1l ] ] 1
T T T

I T
01 10 10 100 1,000

1/f noise White noise
dominates dominates

v

Fig. 4.5 A noise signal that has both 1/f and white noise.

3. 1/, or flicker, noise is also referred o as pink noise since it has a large low-frequency content.
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Filtered Noise

Consider the case of a noise signal, V. (f), being filtered by the transfer function
A(s), as shown in Fig. 4.6. Here, A(S) represents a linear transfer function as a
result of some circuit amplification, filtering, or both. The following relationship
between the input and output signals can be derived using the definition of the spec-
tral density.

VZ(f) = |AG2rD Vi 4.24)

The term 2xrf arises here since, for physical frequencies, we replace $ with jo =
j2nf . Note that the output spectral density is a function only of the magnitude of the
transfer function, and not its phase. As a result of (4.24), the total output mean-
squared value is given by

Vigms = o IAG2EDPVE( df (4.25)

If we wish to work with root spectral densitics, we can take the square root of both
sides of (4.24) resulting in

Vool = [AG21H| Vi) (4.26)

The relationship in (4.26) should make intuitive sense since it indicates that the
transfer function simply shapes the root spectral density of the input noise signal. It
is 1mportant to note here that the root spegtral den51ty 1s simply shaped by
(as seen by (4.24)).
Hence, we see the benefit in dealing with the root spectral density rather than the
spectral density. Specifically, straightforward transfer function analysis is applied 4
when using root spectral densities, whereas squared terms are required to deal with
spectral densities.
It is also of interest to consider the case of multiple uncorrelated noise sources
that are each filtered and summed together. For example, consider the system shown
in Fig. 4.7 in which three filtered, uncorrelated noise sources combine to form the
total output noise, V,,,(f) . In this case, one can show that if the input random signals
are uncorrelated, the filter outputs are also uncorrelated. As a result, the output spec-
tral density is given by

Vil = 3 [AG2mh V) 4.27)

i=1,2,3

2 V2, = AGj2rh)*Va
Vaih —9p| AS) |—>p .
Vno(f) = IA(jznf)anl(f)

Fig. 4.6 Applying a tronsfer function (i.e., filter} to a noise
signal.
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V() o——pl Ay(S)

noise sources )
i=1,23

1/2
Uncorrelated  V 5(f) o—p Ax(S) Vooff) = [ 2 lAi(jznf)|2vﬁi(f)]

Via(f) e—p Ag(s)

fig. 4.7 Filtered uncorrelated noise sources contributing to total cutput noise.

EXAMPLE 4.4

Consider a noise signal, V(f), that has a white root spectral density of

20 nV/ J}E, as shown in Fig. 4.8(a). Find the total noise rms value between
dc and 100 kHz. What is the total noise rms value if it is filtered by the RC filter
shown in Fig. 4.8(k), where it is assumed the RC filter is noise free?

Solution
For the noise mean-square value from dc to 100 kHz of V,,(f), we have

5
Viims) = :’ 20%df = 4x 10'(nV)’ (4.28)

resulting in an rms value of Vg me, = 6.3 UV rms. Note that, for this simple
case, one could also obtain the rms value by multiplying 20 nV/./Hz by the
square root of the frequency span, or /100 kHz, resulting in 6.3 LV rms.

Vo) 4 R=1kQ

JHz f 1 Jc=0159uF
o

———————> ¢

T I — 1
1.0 10 100 10° 10* 27RC -
{a) (B)
. A A
|A(j2nh)] A(s) = 1 VoM
(dB) 1+s/2nf,
0 v 20
-201 21
. —— N\ i
1.0 10 100 10° 10 1.0 10 100 10° 10
(0 (&

Fig. 4.8 (o) Spectral density for V i(f). (b} RC filter to shape noise. {c) RC filter frequency
response. (d) Spectral density for V, (f} .
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For the filtered signal, V,(f). we find that the RC filter has the frequency
response shown in Fig. 4.8(c¢). Therefore, we can multiply the root spectral den-
sity of V(f) with the frequency response, |A(j21h)|. to obtain the root spectral
density of V(f), as shown in Fig. 4.8(4). Mathematically, the output root spec-
tral density is given by

-9
Vno(f) = & (4.29)

1+ (i J-
fy
where f, = 10°. Thus, the noise mean-squared value of V_(f) between dec and
100 kHz is given by

2 0t 207 3 10°
norrms) = -[0 ; zdf = 207f, arctan(f/fo)‘”
1*(‘ (4.30)
fo

=6.24x 10°(nV)’

which results in an rms value of V; s, = 0.79 UV rms. Note that the noise
rms value of V, (f) is almost 1/10 that of V,i(f) since high-frequency noise
above | kHz was filtered. The lesson here is that you should not design circuits
for larger bandwidths than your signal requires, otherwise noise performance
suffers.

Noise Bandwidth

We just saw that the spectral density function is determined by the noise power within
each 1-Hz bandwidth. Thus, in theory, one could measure the spectral density func-
tion by filtering a noise signal with a brick-wall bandpass filter having a 1-Hz band-
width. The term brick wall implies here that the 1-Hz bandwidth of the filter is passed
with a gain of one, whereas all other frequencies are entirely eliminated. However,
practical filters can only approach a brick-wall response as their complexity (i.e., filter
order) is increased. Thus, for lower-order filters with a 1-Hz passband, more noise
power is passed than what is simply in a 1-Hz bandwidth. To account for the fact that
practical filters have more gradual stopband characteristics, the term roise bandwidth
is defined. The noise bandwidth of a given filter is equal to the frequency span of a
brick-wall filter that has the same output noise rms value that the given filter has
when white noise is applied to both filters (peak gains are the same for the given and
brick-wall filters). In other words. given a filter response with peak gain A, . the noise
bandwidth is the width of a rectangular filter that has the same area and peak gain,
A, . as the original filter.

For example, consider a first-order, low-pass response with a 3-dB bandwidth of
f,. as shown in Fig. 4.9(¢). Such a response would occur from the RC filter shown in
Fig. 4.8(h) with f; = (1/2nRC). The transfer function of A(S) is given by




4.2 Frequency-Domain Analysis

1
. = — . F 3
Ag2nh| 4A® 14+5/2nf, |Asricki2nh)]
0 20 dB/decade 0
(@8 (dB) +
20+ -204
1 f N —
o ko ¢ 10f fo o g :\_ T
100 10 100 10 x =50
(@ (b)

Fig. 4.9 (o) A firstorder, low-pass response, and (b} o brick-wall filler that has the same peak
gain and area as the first-order response.

j A(S) = 1
3 1+ —
2nf,
This results in the magnitude response of A(S) being equal to
1/2
1
o 5
|AGH 1+(1)
fo

An input signal, V,,(f), is a white noise source given by
Vi) = Viw

where V., is a constant. The total output noise rms value of V (f) is equal to

= Vow N
Vf\o(rms) = IO—_ df = Vf,wfoarctan(—) = n; o

0
fo
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(4.31)

(4.32)

(4.33)

(4.34)

If this same input signal, Vi(f}, is applied to the filter shown in Fig. 4.9(b), then

the total output noise rms value equals,

f!
Virokams) = ] Vaw of = Viuhy

(4.35)

Finally, equating the two output noise rms values, Vioirms) = Vbrickrms)» Tesults in

nf,

)

(4.36)

Thus, the noise bandwidth of a first-order, low-pass filter with a 3-dB bandwidth of f
equals m(f,/2}. Note that, for the common case in which a first-order circuit is real-

ized by a capacitor, C, and the resistance seen by that capacitor, Rg, then
1

f0=

21R,C

(4.37)
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and the noise bandwidth is given by

(oo
* 4R, C

The advantage of knowing the noise bandwidth of a filter is that, when white
noise is applied to the filter input, the total output noise mean-squared value is easily
calculated by multiplying the spectral density by the noise bandwidth. Specifically, in
the first-order case just described, the total output noise mean-squared value,
Vio{rms), is equal to

(4.38)

Vio(rms) = V-slwfx = Viw(g]fo (4.39)

Similar results for noise-bandwidth relationships can be obtained for higher-order
and bandpass filters.

Piecewise Integration of Noise

Although simulation and computer techniques can analyze circuits or systems quite
precisely (depending on their modelling accuracy), it is often convenient to make
approximations that are useful in the early design stages. Such approximations are
particularly useful in noise analysis, where large inaccuracies occur naturally due to
such things as unknown parasitic effects and incomplete noise models. One such
approximation is the estimation of total noise by integrating over frequency with the
assumption that piecewise-linear Bode diagrams are exact. With such an approxima-
tion, integration formulas become much simpler when one needs only to integrate
under linear functions and add together the resulting portions, The following example
demonstrates this approach.

EXAMPLE 4.5

Consider an input noise signal, V(f), being applied to the amplifier A(S), as
shown in Fig. 4.10. Find the output noise rms value of V, (f} above 1 Hz.

Solution
As shown, the output root spectral density, V,,(f), is determined by the addition
of the Bode diagrams for V;(f) and A(s). To perform piecewise integration of
V ho(f), the frequency range is broken into four regions, N; through N, as shown.
For the region N, the total mean-square noise is given by
2
NG = [ df = 200 ()" = 184x10°( )’ (4.40)

In the region N,, we have

L 10" 5
N3 = | 20° df = 20°f] ) = 3.6x10°(nV)’ (4.41)
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Fig. 410 Root spectral densifies and amplifier curve example. V,,(f) is the output noise that
resulls from applying an input signal with noise V,,;(f) 1o the amplifier A(s).

Region N; ramps up rather than down, resulting in

" 22 20 2
N§ _ j103 20°F df = [ = 1f3
10 (103)2 10 3

10*
= 1.33x 105(nV)? (4.42)

3

10

Finally, for region N4, we can use the noise bandwidth result of a first-order,
low-pass response and simply remove the noise portion resulting from under
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10* Hz. Specifically, we have,
. (= 200 - 200 10, 2
N2 = [T df = jﬂ_——f——zdf-jo 200° df
1+
10 __ (4.43)
- 2003@)105 _(200%)(10%) = 5.88 x 10°(nV)’

Thus, the total output noise can be estimated to be

2. 172

Vioume, = (ND#N3 + N3+ ND' ™" = 77.5 pV mms (4.44)

An interesting point to note here is that in the preceding example, N,=
76.7 pV rms is quite close to the total noise value of 77.5 pV rms . Thus, in prac-
tice, there is little need to find the noise contributions in the regions N, N,, and N;.
Such an observation leads us to the 1/f noise tangent principle.

1/f Noise Tangent Principle

The 1/f noise tangent principle is as follows: To determine the frequency region or
regions that contribute the dominant noise, lower a 1/f noise line until it touches the
spectral density curve—ihe total noise can be approximated by the noise in the vicin-
ity of the 1/f line [Kennedy, 1988]. For example, lowering a 1/f line toward the root
spectral density of V,,(f) in Fig. 4.10 indicates that the noise around 10° dominates.
The reason this simple rule works is that a curve proportional to 1/x results in equal
power over each decade of frequency. Therefore, by lowering this constant power/
frequency curve, the largest power contribution will touch it first. However, because
the integration of 1/X approaches infinity if either the upper bound is infinity or the
lower bound is zero, one must be careful in cases where the spectral density curve
runs parallel to a 1/f tangent line for an appreciable frequency span. For example,
consider once again Fig. 4.10, where the region N, runs parallel to the 1/f tangent
line. However, in this example, region N, does not contribute much noise since the
noise was only integrated above 1 Hz . If a much lower frequency bound is used, this
region can also contribute appreciable noise power.

4.3 NOISE MODELS FOR CIRCUIT ELEMENTS

There are three main fundamental noise mechanisms—thermal, shot, and flicker. In
this section, we discuss noise models for popular circuit elements where all three
mechanisms occur. However, first we briefly describe these noise phenomena.
Thermal noise is due to the thermal excitation of charge carriers in a conductot.
This noise has a white spectral density and is proportional to absolute temperature. It
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is not dependent on bias conditions (dc bias current) and it occurs in all resistors
(including conductors) above absolute zero. Thus, thermal noise places fundamental
limits on the dynamic range achievable in electronic circuits. It should be mentioned
here that thermal noise is also referred to as Johnson or Nyquist noise since it was first
observed by J. B. Johnson [Johnson, 1928] and analyzed using the second law of ther-
modynamics by H. Nyquist [Nyquist, 1928].

Shot noise was first studied by W. Schottky using vacuum-tube diodes [Schottky,
1918], but shot noise also occurs in Pn junctions. This noise occurs because the dc
bias current is not continuous and smooth but instead is a result of pulses of current
caused by the individual flow of carriers. As such, shot noise is dependent on the dc
bias current. It can also be modelled as a white noise source. Shot noise is also typi-
cally Jarger than thermal noise and is sometimes used to create white noise generators.

Flicker noise is the least understood of the three noise phenomena. It is found in
all active devices as well as in carbon resistors,” but it occurs only when a dc current is
flowing. Flicker noise usually arises due to traps in the semiconductor, where carriers
that wouid normally constitute dc current flow are held for some time period and then
released. Flicker noise is also commonly referred to as 1/f noise since it is well mod-
elled as having a 1/f" spectral density, where o is between 0.8 and 1.3. Although
both bipolar and MOSFET transistors have flicker noise, it is a significant noise
source in MOS transistors, whereas it can often be ignored in bipolar transistors.

-

The major source of noise in resistors is thermal noise. As just discussed, it appears as
white noise and can be modelled as a voltage source, Vg(f), in series with a noiseless
resistor. With such an approach, the spectral density function, Vé(f), is found to be
given by

Vi = 4kTR (4.45)

where K is Boltzmann’s constant (1.38 x 1072 K™ 3, T is the temperature in
Kelvins, and R is the resistance size.

An alternate way to write (4.45) is to note that a 1-kQ resistor exhibits a root
spectral density of 4.06 nV/./Hz in thermal noise at room temperature (300 °K).
Since the root spectral density is proportional to the square root of the resistance, we
can also write '

Va(h) = E x 4.06 nV/J/Hz for 27 °C (4.46)

Note that, to reduce the thermal noise due to resistors, one must either lower the
temperature or use lower resistance values. The fact that lower resistance values cause
less thermal noise becomes much more apparent when we look at KT/C noise in
capacitors later in this section.

4. Carbon resistors are not used in integrated-civcuit design but are available as discrete elements.
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An alternate model can be derived by finding the Norton equivalent circuit. Spe-
cifically, the series voltage noise source, Vg(f), can be replaced with a parallel cur-
rent noise source, Ig(f), given by

VR(h _ 4kT
R R

15 = (4.47)

Both resistor models are summarized in Fig. 4.11.

Diodes

Shot noise is typically the dominant noise in diodes and can be modelled with a cur-
rent source in parallel with the small-signal resistance of the diode, as Fig. 4.il
shows. The spectral density function of the current source is found to be given by

L) = 2ql; (4.48)

where Q is one electronic charge (1.6 x 107" C)and I is the dc bias current flow-

ing through the diode. The small-signal resistance of the diode, ry, is given by the
usual relationship,

_ KT
alp
Note that the Thévenin equivalent circuit can also be used, as shown in Fig. 4.11.

It should be noted here that the small-signal resiStance, ty, is used for modelling and
is not a physical resistor; hence, ry does not contribute any thermal noise.

Iy (4.49)

Bipolar Transistors

The noise in bipolar transistors is due to the shot noise of both the collector and base
currents, the flicker noise of the base current, and the thermal noise of the base resis-
tance. A common practice is to combine all these noise sources into two equivalent
noise sources at the base of the transistor, as shown in Fig. 4.11, Here, the equivalent
input voltage noise, V(f), is given by

Vi) = 4kT(rb + L) (4.50)
29m
where the 1, term is due to the thermal noise of the base resistance and the g, term is
due to collector-current shot noise referred back to the input. The equivalent input
current noise, Ii(f), equals

KI I
1 = 2q(IB +—24C J (4.51)
TR

where the 2qlg term is a result of base-current shot noise, the KIg/f term models
1/f noise (K is a constant dependent on device properties), and the I term is the
input-referred collector-current shot noise (it is often ignored).
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Element Noise Models
Resistor
R (Noiseless} T R . 4kT
%R Vi) = 4kTR R = R = 7
(Noiseless)
Diode fg = LN {Noiseless) -
glp o= — 2
d7 < =
% 5 glp = () IyH = 29lp
Vg = 2kTry .
(Forward biased) (Noiseless)
BJT Vi VA = 4|<T(rb+—-1—]
29,

i}

_Ii @2 {Noiseless)
I i) 2q(IB+KTIB+ lo J

{Active region) IB(f)I2

Vi . 2
MOSFET ._®_{g ¢ Vit
n ) d® c_®—|t:{ {Noiseless)

h
vih = % VA = 4kT(E]1—+ K
{Active region) g WLC,,f e 3/)g, WLC,f
Ii(f) = 4|(T(g)g Simplified model for
3/ m low and moederate frequencies

Opamp 2 ¢
-

_ (Noiseless) A [ (h, 1,6
+ — Values depend on opamp
3 4 ~— Typically, all uncorrelated
Voh ()]

i

Circuit elements and their noise models. Note that capacitors and inductors do

Fig. 4.11
not generate noise.
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A couple of comments here are that the noise of r, typically dominates in V.,
and the base-current shot noise often dominates in the input-current noise, Ii(f).
Thus, the equivalent voltage and current noise are not derived from the same noise
sources. As a result, it is common practice to assume that the input voltage and current
noise sources in a bipolar transistor are uncorrelated.”

The dominant noise sources for active MOSFET transistors are flicker and thermal
noise, as shown in Fig. 4.11. The flicker noise is modelled as a voltage source in
series with the gate of value

K

Vi) = —
ot WLC,,f

(4.52)
where the constant K is dependent on device characteristics and can vary widely for
different devices in the same process. The variables W, L, and C,, represent the
transistor’s width, length, and gate capacitance per unit area, respectively. An inpor-
tant point to note here is that the 1/f noise is inversely proportional to the transistor
area, WL . In other words, larger devices have less 1/f noise. 1/f noise is extremely
important in MOSFET circuits, because it typically dominates at low frequencies
unless switching-circuit techniques are used to reduce its effect. Also, typically p-
channel transistors have less noise than their n-channel counterparts since their major-
ity carriers (holes) are less likely to be trapped. -

The derivation of the thermal noise term is straightforward and is due to the resis-
tive channel of a MOS transistor in the active region. If the transistor was in triode,
the thermal noise current in the drain due to the channel resistance would simply be
given by Ié(f) = (4KT)/ry, Where ry is the channel resistance. However, when the
transistor is in the active region, the channel cannot be considered homogeneous, and
thus, the total noise is found by integrating over small portions of the channel. Such
an integration results in the noise current in the drain being given by

B = 4kT@gm (4.53)

for the case Vpg = Vgs— V7.

Often, noise analyses are done just by including this noise source between the
transistor drain and source. Sometimes, however, analysis may be simplified if it is
replaced by an equivalent input noise source. To find the equivalent noise voltage that
would cause this drain current, we note that the drain current is equal to the gate volt-
age times the transconductance of the device, or, mathematically, I4f) = gnVih.

5. An exception to this is high-frequency designs in which the collector shot noise becomes more important
because, at high frequencies, 3 becomes small. In this case. the input current neise source is partially cor-
related wirh the input voltage noise source. If neither noise source dominates, then the correct analysis is

more difficult and beyond the scope of this text. Fortunately. this case is not often encountered in practice.
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Thus, dividing (4.53) by g,zn results in the simplified MOSFET model, also shown in
Fig. 4.11, where there is now only one voltage noise source. However, one should be
aware that this simplified model assumes the gate current is zero. Although this
assumption is valid at low and moderate frequencies, an appreciable amount of cur-
rent would flow through the gate-source capacitance, Cs, at higher frequencies. In
summary, although most noise analysis can be performed using the simplified model,
if in doubt, one should use the model with the thermal noise placed as a current source
in parallel with the drain-source channel.

Finally, it should be noted that no gate leakage noise terms have been included in
this noise model since, in modern process, the gate leakage is so small that its noise
contribution is rarely significant.

EXAMPLE 4.6

A large MOS transistor consists of ten individual transistors connected in paral-
lel. Considering 1/f noise only, what is the equivalent input voltage noise spec-
tral density for the ten transistors compared to that of a single transistor?

Solution

From (4.52), the 1/f noise can be modelled as a current source going from the
drain {o the source with a noise spectral density of

Kgi -~

4.54
WLC,,i (424

Ta(f) =

where g, is the transconductance of a single transistor. When ten transistors are
connected in parallel, the drain-current noise spectral density is ten times larger,

50 we have
10Kg:
Lo of) = —m 4.55
a = 10{f} WLC..f (4.55)
When this noise is referred back to the input of the equivalent transistor, we
have
10Kgs K
Visi(f) = " - (4.56)

WLC,,fgl,_,, 10WLGC,f

since the transconductance of ten transistors in parallel, g, . . is equal to
10 gy, - Thus, the drain current noise spectral density of the equivalent transistor
is ten times larger, but the input voltage noise spectral density is ten times
smaller. This result is expected because the input voltage noise source due to 1/f
noise is inversely proportional to the equivalent transistor area, which in this
case is 10 WL.
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o V2(h) L. VA R Lo V2 (h
= L oy2 = - 2 o L2 2
Vy(hignored: Vi, =0 [(f) ignored: V7, =V, I,.(hignored: V., =V,
2 2 '
Actual: V[, = V| Actual. Actual:
v = Vi1, R Ve, = V2 (I R
(a) (b) (¢)

Fig. .12 Opamp circuits showing the need fof three noise sources in an opamp noise model.
Assume the resistance, R, is noiseless. Also, notation is simplified from V (f) to V, , and so on.

Opamps

Noise in opamps is modelled using three uncorrelated input-referred noise sources, as
shown in Fig. 4.11. With an opamp that has a MOSFET input stage, the current noises
can often be ignored at low frequencies since their values are small. However, for
bipolar input stages, all three noise sources are typically required, as shown in
Fig. 4.12. In Fig. 4.12(a), if V,(f) is not included in the model, a unity-gain buffer
with no resistors indicates that the circuit output is noiseless. In fact, the voltage noise
source, V,(f), dominates. If I,(f} is not included in an opamp model, the circuit
shown in Fig. 4.12(b) indicates that the output noise voltage equals V,(f). Here, the
current noise may dominate if the resistance, R, is large. A similar conclusion can be
drawn with I, (f). as shown in Fig. 4.12(c).

Capacitors and Inductors

Capacitors and inductors do not generate any noise. However, they do accumulate
noise generated by other noise sources. Here, we will see that the capacitor noise
mean-squared value equals kT/C when it is connected to an arbitrary resistor value.

Consider a capacitance, C, in parallel with a resistor of arbitrary size, R, as
shown in Fig.4.13(a). The equivalent circuit for noise analysis is shown in
Fig. 4.13(b). To determine the total noise mean-squared value across the capacitor, we
note that V(f) is simply a first-order, low-pass, filtered signal with Vg(f) as the

R

R IC Vo) = JAKTR

(@) (b)

Fig. 4.13 (o] Capacitor, C, in paralle! with a resistor, and {b} equivalent
noise model circuit.
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input. Therefore, we recognize that the noise bandwidth is given by (m/2)f; (see
Section 4.2, Eq. (4.36), and since the input has a white spectral density, the total out-
put mean-squared value is calculated as

5 i
VIR f(f)« _ (4kTR (’-‘X )
no{rms) H() 2 0 ( ) 2 2T[RC

kT
Vizm(rms) = E

(4.57)

In other words, the rms voltage value across a capacitor is equal to VkT/C, regard-
less of the resistance seen across it. Such a result is due to fact that small resistances
have less noise spectral density but result in a wide bandwidth, compared to large
resistances, which have reduced bandwidth but larger noise spectral density.

Finally, it should be stated that this noise property for capacitors gives a funda-
mental limit on the minimum noise level across a capacitor.® Thus, to lower the noise
level, either the temperature must be lowered or the capacitance value must be
increased.

EXAMPLE 4.7

Ataroom temperature of 300 °K , what capacitor size is needed to achieve a 96-dB
dynamic range in an analog circuit with maximum signal levels of 1 V rms?

Solution -
The value of noise that can be tolerated here is 96 dB down from 1 V rms,
which is
v
Vn(rms) = e = 15.8 pV rms (4.58)
Using (4.57), we have
C= ;(T = 16.6 pF 4.5
Vn(rms)

Thus, the minimum capacitor size that can be used (without oversampling) is
16.6 pF. The vse of this minimum capacitor size determines the maximum resis-
tance size allowed to achieve a given time constant.

Finally, it should be mentioned that the equivalent noise current mean-squared
value in an inductor of value L is given by (see Problem 4.9)

2 kT
Ino{rms) = —L- 4.60)

6. Some feedback circuits can make the noise smaller but signal levels are also typically smaller {see
Problem 4.8).
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Sampled Signal Noise

In many cases, one should obtain a sampled value of an analog voltage. For example,
switched-capacitor circuits make extensive use of sampling, and sample-and-hold cir-
cuits are commonly used in analog-to-digital and digital-to-analog conversion.

Consider a basic sample-and-hold circuit, as shown in Fig. 4.14. When ¢y
drops, the transistor turns off and, in an ideal noiseless world, the input voltage signal
at that instance would be held on capacitance C. However, when thermal noise is
present, the resistance when the transistor is switched on causes the capacitance volt-
age noise to be equal to JKT/C. Thus, when the switch is turned off, the noise as
well as the desired signal is held on C. As a result, a fundamental limit occurs for
sampled signals using a capacitance C —an rms noise voltage of JkT/C.

It should be noted that this noise voltage will not depend on the sampling rate and
is independent from sample to sample. This fact suggests a method to reduce the
noise level of a signal measurement. Specifically, in the case where v;, is a dc (or
low-frequency) signal, taking only one sample results in a noise voltage of vkT/C.
However, if many samples are taken (say, 1.000) and all samples are averaged, the
averaged value will have a reduced noise level. The reason this technique improves
the measurement accuracy is that, when individual sampled values are summed
together, their signal values add linearly, whereas their noise values add as the root of
the sum of squares. This technigue is known as oversampling and will be discussed at
length with respect to oversampling converters in Chapter 14.

4.4 NOISE ANALYSIS EXAMPLES

In this section, a variety of circuits are analyzed from a noise perspective. Although
some useful design techniques for reducing noise are presented, the main purpose of
this section is to give the reader some experience in analyzing circuits from a noise
perspective.

Opamp Example
Consider an inverting amplifier and its equivalent noise model, as shown in Fig. 4.15.
Here, V,(f), [,.(H), and I,,(f) represent the opamp’s equivalent input noise, and the
remaining noise sources are resistor thermal noise sources. Note that current noise

sources are used in the models for R, and A;, whereas a voltage noise source is used
for R, . As we will see, these choices of noise sources simplify the circuit analysis.

q’n:lk

V. TT e v

out

u——
O

Fig. .14 A sample-and-hold circuit.
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(a)

Fig. 4.15 (a) Low-pass filter, and {b] equivalent noise model.

First, using superposition and assuming all noise sources are uncorrelated, con-
sider the output noise voltage, Vim(f), due only to Iy, I¢. and [, . These three noise
currents add together, and their total current sum is fed into the parallel combination
of C; and R;. Note that no current passes through R, since the voltage across it is
zero due to the virtual ground at the negative opamp terminal {assuming a high-gain
opamp}. Thus, the output noise mean-squared value due to these three neise currents
is given by

R

Vier(H = [Iq(h + L) + I H][ D
T+j2nfR,C,

(4.61)

This equation indicates that this part of the output noise value equals the sum of the
noise currents multiplied by Rf?" . This noise portion is then shaped by a low-pass filter
with a 3-dB frequency equal to f, = 1/(2nR;Cy).

Using superposition further, the output mean-squared value, V,z,oz(f), due to the
three noise sources at the positive opamp terminal can be found as follows: By con-
verting l,, to a voltage source (by multiplying it by R,), we see that the three noise
voltages are summed and are applied to the positive opamp terminal. Since the gain
from the positive opamp terminal to the output signal is easily found, the output noise
mean-squared value due to these three noise sources is given by

R/R,
1 +2nfCR;

2

Voo = [T, (HR; + Viy(f) + ViH|1 + (4.62)

This equation indicates that this part of the output noise mean-squared value equals
the sum of the noise voltages, and this noise portion is then shaped by the shown trans-
fer function. For this transfer function, if R; << R, then its gain approximately
equals unity for all frequencies. Thus, for an ideal opamp, the noise would exist up to
infinite frequency, resulting in an infinite amount of mean-squared volts. However,
for practical circuits, the gain drops off above the unity-gain frequency of the opamp,
and thus the noise is effectively low-pass filtered. In the case where R;>> R, the
low-frequency gain is roughly R;/R,, and its 3-dB frequency is the same as in the
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case of the noise sources at the negative opamp terminal (i.e., f; = 1/(2=R;Cy)).
However, in this case, the gain only decreases to unity and then remains at that level.
Treating the Bode plot as exact and noting that, above f,, the gain drops off at —20 dB/
decade, this transfer function reaches unity around f, = {R;/R)f,. Thus, one should
also include the opamp’s positive input noise (with a gain of one) integrated over the
region between f, and the unity-gain frequency of the opamp.

Finally, the total output noise mean-squared value is simply the sum

VI = Vag () + Vg (4.63)
or, if rms values are found,
Vio(rms) = Vrzwl(rms)"“Vioz(rms) (4.64)
EXAMPLE 4.8
Estimate the total output noise rms value for a 10-kHz low-pass filter, as shown
in Fig. 4.15, when C; = 160 pF, R; = 100k, R, = 10k, and R, = 9.1 k.
Also, find the SNR for an input signal equal to 100 mV rms . Assume that the
noise voltage of the opamp is given by V (f} = 20 nV/J/Hz, both its noise
currents are I.(f) = 0.6 pA/JI-Tz, and that its unity-gain frequency equals
5 MHz.
Solution
Assuming the device is at room temperiture, the resistor noise sources are
equal to
I; = 0.406 pA/JHz (4.65)
I,, = 1.28 pA/JHz (4.66)
V,, = 122 aV/J/Hz (4.67)

The low-frequency value of Vim(f) is found by letting f = 0 in (4.61).
Vioi(0) = [11,(0) + 170} + I, (0) IR}
= (0.406° + 1.287 + 0.65)(1 x 107')° (100 k) (4.68)
= (147 aV/JHz )

Since (4.61) also indicates that this noise is low-pass filtered, the rms output
noise value due to these three sources can be found using the concept of a noise
equivalent bandwidth. Specifically, we multiply the spectral density by
(rfy)/2, where f, = 1/(2nR;Cy) . Thus,

I
4(100 k€2)(160 pF) (4.69)

2
Viteme = (147 nV/J/Hz)" x

(18.4 pv)y*
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To estimate the output noise due to the sources at the positive opamp termi-
nal, we find V,z,oz(O) to be given by
Vaor® = [ILORG + Voo + ViDI(E + R/R,)?
(24.1 nV//Hz) x 11 (4.70)
(265 nV/JHz )’

This noise is also low-pass filtered at f, until f; = (R;/R,)f,, where the noise
gain reaches unity and it remains until f, = 5 MHz (i.e, the unity-gain fre-
quency of the opamp). Thus, breaking this noise into two portions, and using
(4.38) to calculate the first portion, we have

Vr2102[rms) = (265 % 10_9)2(4RIC )+ (24.1 x 10_9)2(1%}“‘ -t

i 4.71)
= (74.6 pV)’
Thus, the total output noise is estimated to be
2 2
Vno(rms) = '\/Vnol(rms) +Vn02(rms} = 77 uV rms (4.72)

It should be noted here that the major source of noise at low frequencies is
due to the opamp’s voltage noise, V(f).

To obtain the SNR for this circuit with a 100-mV rms input level, one can
find the output signal mean-squared value and relate that to the output noise
value. Alternatively, one can find the equivalent input noise value by dividing
the output noise value by the circuit’s gain and then relate the input signal and
noise mean-squared values. Taking the first approach results in an output signal
level of 1 V rms, which gives an SNR of

SNR = 20 log( 1v ) = 82 dB (4.73)
77 uv

Note here that using a lower-speed opamp would have reduced the total