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manner, with an emphasis on transistor-level operation, the influence of device
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frequency domains.
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e solved design examples to guide the reader through the decision process that
accompanies each design task, with an emphasis on key trade-offs;

e coverage of the major issues that must be taken into account when combining
analog and digital circuit building blocks;

e key criteria and parameters that are used to describe system-level performance;

e simple circuit models to enable a robust understanding of high-frequency design
fundamentals;

e SPICE simulations that are used to check results and fine-tune the design.
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Preface

In the first half of the twentieth century the radio was the main activity area of the
electronics industry and, correspondingly, RF circuits occupied a considerable part in
the electronic engineering curriculum and books published in this period. Properties of
resonance circuits and electronic circuits using them, single-tuned amplifiers as the
input stages of receivers, double-tuned circuits as IF amplifiers, RF sinusoidal
oscillators and high-power class-C amplifiers have been investigated in depth. It must
be kept in mind that the upper limit of the radio frequencies of those days was several
tens of MHz, the inductors used in tuned circuits were air-core or ferrite-core coils
with inductance values in the micro-henries to milli-henries range, having consider-
ably high quality factors, ranging from 100 to 1000, and the tuning capacitors were
practically lossless.

The knowledge developed for the vacuum-tube circuits easily adapted to the
transistors with some modifications related to the differences of the input and output
resistances of the devices. In the meantime, the upper limit of the frequency increased
to about 100 MHz for FM radio and to hundreds of MHz for UHF-TV. The values of
the inductors used in these circuits correspondingly decreased to hundreds to tens of
nano-henries. But these inductors were still wound, high-Q discrete components.

In the second half of the twentieth century, the emergence of integrated circuits
drastically increased the reach of electronic engineering. Digital electronics on one
side and analog electronics using the potentials of the operational amplifiers on the
other side forced the curricula and the textbooks to skip certain old and “already
known” subjects (among them resonance circuits and tuned amplifiers), to open room
to these new subjects. The development of (inductorless) active filters that replaced the
conventional passive LC filters extensively used in telecommunication systems even
decreased the importance of inductors.

Rapid development of CMOS technology and the steady decrease of the dimensions
of the devices according to “Moore’s Law” led to an increase in the complexity of ICs
(from now on, the VLSI circuits) and the operating frequencies as well. In the digital
realm this helped to improve the performances of digital computers and digital
telecommunication systems. In the analog realm the operation frequencies of the
circuits increased to the GHz region and correspondingly the inductance values
decreased to below 20 nH, so that now it was possible to realize them as on-chip
components. Hence the freedom from external bulky discrete inductors opened a new
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horizon towards small and light-weight mobile systems; the mobile telephone, GPS
systems, Bluetooth, etc.

But there is a problem related to this development; the quality factors of on-chip
inductors are very low, usually around 10-100, and tuning capacitors are not lossless
any more. Most of the earlier theory (and design practice) that was developed with
very high-Q discrete components does not easily translate to such integrated high-
frequency circuits and on-chip components with less than ideal characteristics. Instead
of relying on the comprehensive theory and analytical design of high-frequency analog
circuits that was in place many decades earlier, most of the new-generation designers
were tempted to adopt rather ad-hoc design strategies not grounded in sound theory,
and to explain away the inevitable inconsistencies as “secondary effects”. To make
matters even more complicated, systematic treatment of subjects such as high-
frequency circuit behavior and resonance/tuned circuits has been missing from the
electrical engineering curricula for several decades, and analog designers entering the
field of RF/high-frequency design had to re-learn these subjects.

One of the objectives of this book is to fill this gap; to introduce the fundamental
aspects of high-frequency circuit operation, to systematically discuss the behavior of
key components (in particular, submicron MOSFETs and on-chip passive compon-
ents), summarize the behavior of the series and parallel resonance circuits in detail and
investigate the effects of the losses of on-chip inductors and capacitors that are usually
not taken into account in formulas derived for high-Q resonance circuits.

Since all these circuits are being developed and used usually in the GHz range,
sometimes close to the physical limits of the devices, it becomes necessary to
recapitulate the behavior of MOS transistors together with their important parasitics
and the frequency related secondary effects.' In Chapter 1 the basic current—voltage
relations of MOS transistors are derived, taking into account the parabolic (not linear)
shape of the inversion charge profile that leads to a different approach to understand
the channel shortening effect and the gate-source capacitance of the transistor. The
velocity saturation effect and the behavior of a MOS transistor under a velocity
saturation regime are also investigated as an important issue for small geometry
devices. Although it is not used extensively for HF applications, the sub-threshold
regime is also investigated in brief.

In addition to the intrinsic behavior of MOS transistors the parasitics — that are
inevitable and have severe effects on the overall behavior especially at high
frequencies — have been discussed, mostly in connection with the BSIM3 parameters.
The properties, limits and parasitics of the passive on-chip components, namely
resistors, fixed value and variable capacitors (varactors) and inductors are also
summarized in this chapter from a realistic and design-oriented point of view.

The subject of Chapter 2 is the DC properties of the basic analog MOS circuits that
will be investigated in the following chapters. The interactive use of analytic

! This part of the book must not be considered as an alternative to the existing sound and comprehensive
models such as EKV and others, but rather as an attempt to explain the behavior of MOS transistors, based
on the basic laws of electrostatics and circuit theory that all electronics students already know.
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expressions — that provide interpretable knowledge about the basic behavior of the
circuit — and SPICE simulations — that give the designer a possibility to “experiment”,
to fine-tune and optimize the circuit, all secondary and parasitic effects included — are
exemplified throughout the chapter. It is believed that to have the ability of using
together the analytical expressions and the power of SPICE is a “must” for an analog
designer.

In Chapter 3 the frequency-dependent behaviors of the basic circuits are given, not
limited to the frequency characteristics of the gain but including the input and output
impedances. The important properties of them, usually not dealt with in books, are
investigated and their effects on the performance of wide-band circuits are underlined.
The basics of the techniques used to enhance the gain; the additive approach
(distributed amplifiers) and the cascading strategies to reach to the wide-band
amplifiers (not only voltage amplifiers, but also current amplifiers, transadmittance
amplifiers and transimpedance amplifiers) are systematically investigated.

In Chapter 4 first the resonance circuits are recapitulated with this approach and the
behavioral differences of high-Q and low-Q resonance circuits are underlined.
Afterwards, tuned amplifiers are systematically investigated taking into account the
low-Q effects, not only for single-tuned amplifiers but also for double-tuned and
staggered tuned amplifiers that are not covered in many new (and even older) books in
detail. The LNA, that is one of the most important classes of tuned amplifiers, is also
investigated in this chapter together with the noise behavior of MOS transistors, that is
developed with a different approach.

LC sinusoidal oscillators are discussed in Chapter 5 with the negative resistance
approach and the classical positive feedback approach as well, with emphasis on the
effects of the low-Q components. The problems related to the frequency stability of LC
oscillators are discussed and the phase noise in LC oscillators is investigated with a
different approach.

The last chapter is devoted to a summary of the higher-level system view of HF
analog circuits, especially in the context that virtually all such high-frequency circuits
are eventually integrated with considerable digital circuitry for interface, post-
processing and calibration purposes — and that such integration is increasingly done on
the same silicon substrate. The traditional system-level view of high-frequency
components and circuits is strongly influenced by conventional (all-analog)
modulation and transmission systems modeling, which is based almost exclusively
on the frequency domain. The behavior of all digital systems, on the other hand, is
preferably described in the time domain. While the translation between these two
domains is (in theory) quite straightforward, the designers must develop a sense of
how some of their choices in the analog realm eventually influence the behavior of the
digital part, and vice versa. Data converters (analog-to-digital and digital-to-analog
converters) naturally play an important role in this translation between domains, and
Chapter 6 attempts to summarize the key criteria and parameters that are used to
describe system-level performance.

The target audience of this book includes advanced undergraduate and graduate-
level students who choose analog/mixed-signal microelectronics as their area of
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specialization, as well as practicing design engineers. The required background that is
needed to follow the material is consistent with the typical physics, math and circuits
background that is acquired by the third (junior) year of a regular electrical and
computer engineering (ECE) curriculum.

Solved design examples are provided to guide the reader through the decision
process that accompanies each design task, emphasizing key trade-offs and eventual
approximations.

A number of individuals have contributed with their time and their efforts to the
creation of this textbook. In particular, both authors would like to thank Mrs Yildiz
Leblebici who read the entire manuscript, carefully checked the analytical derivations
throughout all chapters, and provided valuable insight as an experienced electronics
teacher. The authors also acknowledge the generous support of Mr Giovanni Chiappano
from austriamicrosystems A.G.” for offering the use of transistor parameters in
numerous examples.

The idea of this book was originally launched with the enthusiastic encouragement
of Dr Philip Meyler of Cambridge University Press, who saw the need for a design-
oriented text in this field and patiently followed through its early development. We are
deeply grateful to Dr Julie Lancashire, our publisher, for her guidance, support and
encouragement over the years, leading up to the final stages of production. The
editorial staff of Cambridge University Press has been wonderfully supportive
throughout this project. We would especially like to thank Ms Sarah Matthews and Mr
Christopher Miller for their valuable assistance.

Last but not least, the authors would also like to thank all reviewers who read all or
parts of the manuscript and provided very valuable comments.

2 Device characteristics and technology parameters provided by austriamicrosystems A.G. will be labeled
with the acronym “AMS” throught the text.



1.1

Components of analog CMOS ICs

MOS transistors

The basic structure of an n-channel metal-oxide—semiconductor (NMOS) transistor
built on a p-type substrate is shown in Fig. 1.1. The MOS transistor consists of two
disjoint p-n junctions (source and drain), bridged by a MOS capacitor composed of the
thin gate oxide and the poly-silicon gate electrode. If a positive voltage with suffi-
ciently large magnitude is applied to the gate electrode, the resulting vertical electric
field between the substrate and the gate attracts the negatively charged electrons to the
surface. Once the electron concentration on the surface exceeds the majority hole
concentration of the p-type substrate, the surface (the channel) is said to be inverted,
i.e., a conducting channel is formed between the source and the drain. The carriers, i.e.,
the electrons in an NMOS transistor, enter the channel region underneath the gate
through the source contact, leave the channel region through the drain contact, and
their movement in the channel region is subject to the control of the gate voltage.

To ensure that both p-n junctions are continuously reverse biased, the substrate
potential is kept lower than the source and drain terminal potentials. Note that the device
structure is symmetrical with respect to the drain and source regions; the different roles of
these two regions are defined only in conjunction with the applied terminal voltages and
the direction of the drain current. In an n-channel MOS (NMOS) transistor, the source is
defined as the n+ region which has a lower potential than the other n+ region, the drain.
This means that the current flow direction is from the drain to the source. By convention,
all terminal voltages of the device are defined with respect to the source potential.

The value of the gate-to-source voltage (Vgs) necessary to cause surface inversion
(to create the conducting channel) is called the threshold voltage V. This quantity
depends on various device and process parameters such as the work function difference
between the gate and the substrate, the substrate (surface) Fermi potential, the depletion
region charge concentration, the interface charge concentration, the gate oxide thick-
ness and oxide (dielectric) permittivity, as well as the concentration of the channel
implantation that is used to adjust the threshold voltage level.

If the applied gate-to-source voltage exceeds the threshold voltage of the MOS tran-
sistor, a sufficiently high concentration of electrons is achieved in the channel region,
leading to surface inversion. Thus, an n-type conducting channel is formed between the
source and the drain, which is capable of carrying the drain (channel) current. If a small
positive voltage is applied to the drain, a current proportional to this voltage will start
to flow from the drain to the source through the conducting channel. The effective
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Figure 1.1 Simplified cross-section view of an n-channel MOS (NMOS) transistor (after Taur and
Ning [13]).

resistivity of the continuous inversion layer between the source and the drain depends on
the gate voltage. This operating mode is called the linear (or triode) mode, where the
channel region acts as a voltage-controlled resistor. During this operating mode, the
electron velocity in the channel is usually much lower than the drift velocity limit.

As the applied drain voltage is increased, the inversion layer charge and the channel
depth at the drain end start to decrease. Eventually, when the drain voltage reaches a
limit value called the saturation voltage (V par), the inversion charge at the drain is
reduced — theoretically — to zero, and the velocity of electrons — theoretically — reaches
very high values, as discussed in the following sections. This event is named as the
“pinch-off” of the channel. Beyond the pinch-off point, i.e., for drain voltage values
larger than the saturation voltage, electrons travel in a very shallow pinched-off
channel with a very high velocity, which is called the “saturation velocity”. This
operating regime is known as the saturation mode.

If the transistor is formed on an n-type substrate, using two p—+ regions as source and
drain, this structure is called a p-channel MOS (PMOS) transistor. In a PMOS tran-
sistor, the fundamental mechanisms of surface inversion and channel conduction are
exactly the same as in NMOS transistors, although the majority of carriers consist of
holes, not electrons. Thus, the gate-to-source voltage applied to the gate electrode to
achieve surface inversion must be negative. Also, it should be taken into account
that the hole mobility is considerably smaller than the electron mobility at room
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Figure 1.2 Commonly used circuit symbols for NMOS and PMOS transistors.

temperature, which leads to a smaller effective channel conductance for the PMOS
transistor with the same channel dimensions. Nevertheless, the complementary nature
of NMOS/PMOS biasing and operating conditions offers very useful circuit imple-
mentation possibilities, which underlines the importance and the wide-spread use of
complementary MOS (CMOS) circuits in a very large range of applications.
Commonly used circuit symbols for n-channel and p-channel MOS transistors are
shown in Fig. 1.2. While the four-terminal representation shows all external terminals
of the device, the three-terminal symbol is usually preferred for simplicity. Unless
noted otherwise, the substrate terminals are always assumed to be connected to the
lowest potential for NMOS devices, and to the highest potential for PMOS devices.

Current-voltage relations of MOS transistors

The basic (so-called Level-1) current—voltage relations of a MOS transistor are given in
most basic electronics textbooks. Since these relations contain a small number of param-
eters, they are convenient for hand calculations. The parameters of these expressions are:

the mobility of electrons (or holes), x;

the gate capacitance per unit area, C,,;

the threshold voltage of the transistor, Vr;
the gate-length modulation coefficient, 4;
and the aspect ratio of the transistor, (W/L).

In the following, these relations are derived with a different approach, to remind the
reader of the fundamentals, and also to clarify the understanding of device behavior. In
addition, the derivation presented here is based on a realistic profile of the channel-
region inversion charge (as calculated from the fundamental electric field expressions),
as opposed to the classical gradual channel approach which assumes linear charge
profiles in the channel. This model represents the transistor under moderate to strong
inversion conditions with reasonable accuracy for hand calculations, provided that the
channel length is not too short and the transistor is not in the velocity saturation region.

For short-channel MOS transistors in which the carrier velocities reach saturation,
i.e. approach a limit velocity, this model is no longer valid. Since a great majority of
transistors realized in analog MOS integrated circuits today have channel lengths in
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Figure 1.3 Inversion channel profiles of an NMOS transistor for (a) Vgs > Vr, Vps = 0,
(b) Vgs > Vr, Vps > 0.

the sub-half-micron range, they may easily enter the velocity saturation region.
Therefore it is necessary to derive rules to check whether a transistor is operating in the
velocity saturation region or not, and to obtain expressions that are valid for velocity
saturated transistors.

The basic current—voltage relations without velocity saturation

The cross-section of an NMOS transistor having an inversion layer along the channel
owing to a gate—source voltage greater than the threshold voltage and zero source—
drain voltage is shown in Fig. 1.3(a). Since there is no surface inversion for gate
voltages smaller than the threshold voltage Vr, the value of the inversion charge
density is

0i = —Cox(Vgs — Vr) [coulomb/cm?]

where (Vgs — V) is the “effective gate voltage” for this case. The amount of the
inversion charge of a transistor having a channel length L and a channel width W is

Qi - _COXWL(VGS - VT)
The minus signs in front of these expressions denote that this is a negative charge,
since the carriers in the inversion layer of an NMOS transistor are electrons.

When we apply a positive drain voltage with respect to the source, a drain current
(Ip) flows in the —y direction and is constant along the channel (Fig. 1.3(b)). However,
owing to the voltage drop on the channel resistance, the voltage along the channel is
not constant. Although the effective gate voltage — inducing the inversion charge — at
the source end of the channel is (Vgs — V1), it decreases along the channel and
becomes equal to (Vgp — V1) = (Vgs— Vps — V) at the drain end. If the channel
voltage with respect to the source is denoted by V.(y), the effective gate voltage as a
function of y can be written as

Verr(v) = (Vas — V1) — Ve(y) (1.1)

and the amount of the inversion charge in an infinitesimal channel segment dy is

d0i(y) = —CoxW[(Vas — V1) — Ve(y)]dy (1.2)
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Since the drain current is constant along the channel, for any y position the current can
be expressed as

;. _40i0) _ dOi)
PT A o))

where v(y) is the velocity of electrons at position y, and can be expressed in terms of
the electron mobility and the electric field strength at y:

d7e(v)
& (1.4a)

(1.3)

V(y) ::unE(y) = —Hy
Using (1.2), (1.3) and (1.4a),

dv.(y)
dy

Ip = p,CoxW[(Vas — V) — Ve(v)]

which gives the electric field strength as

_dr) I

) = = G (Ves — V) = V)] (140)
and
bty = [Vas — 1) — V)
UnCox W
After integration from the source end (y = 0) to y we obtain
ey = s = VVl) = 3 720) (15)

From (1.5), the channel voltage V.(y) corresponding to a certain gate voltage and drain
current can be deduced as

2Ip
:unCOX Wy

V)= (Vas — V1) F \/(VGS — 1)’ - (1.6)

To fulfill the obvious physical condition V.(0) = 0, the sign before the square-root
term has to be taken as minus. The effective gate voltage is found from (1.1) and (1.6):

Verr () = (Vas — V1) = Ve(v)

21 1.7
= (Vs — V1)4 |1 = = 7V 17)
luncoxW(VGS - VT)

It is useful to interpret (1.7) for certain cases.

(a) For y = 0 (at the source end of the channel) the effective channel voltage is
Ver(0) = (Vgs — V1), as expected.

(b) If V(L) = Vps = (Vs — V), the effective channel voltage at y = L is equal to
zero and the channel is pinched-off at the drain end of the channel. For this case
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Figure 1.4 The variation of (a) the effective channel voltage, (b) the corresponding inversion
charge and (c) the velocity of electrons along the channel for a transistor pinched-off at the drain
end of the channel.

the value of the drain current can be found as

1 w )

= —(Vgs — V- 1.8
3 I (Vas T) (1.8a)
In this expression u,Cox is a technology-dependent parameter and has the same

value for all NMOS transistors on a chip.' For a given technology (1.8a) can be
written as

Ip = ID (sat) — ,unCox

1 w
Ip = Ip (sar) = EKPnI(VGS — ¥y)? (1.8b)

Ipgsan 1s called the “saturation current”” corresponding to a given gate voltage.
The variations of the effective channel voltage along the channel and the cor-
responding inversion charge for a “saturated” transistor are plotted in Fig. 1.4(a)
and (b), respectively, based on (1.2) and (1.7). Note that the inversion charge
profile in Fig. 1.4(b) is found to be a second-order function of the distance y, and
not a linear profile as usually assumed in the conventional gradual channel
approach. While this does not influence the current—voltage relationship, the
realistic charge profile will later be used for a more straightforward calculation
of the channel capacitance.

' Similarly, KP, = up,Cox is a parameter common to all PMOS transistors on a chip.

2 The phrase “saturation current” is also used to express the value of the drain current per 1 micron channel
width for a certain technology, when the gate and the drain are both connected to the maximum
permissible voltage for this technology. This “saturation current” takes into account all secondary effects
discussed in the following sections, affecting the drain current. For example, for AMS 0.35 micron, 3.3 V
technology the typical value of the saturation current is given as 540 pA/micron for NMOS transistors and
240 pA/micron for PMOS transistors, respectively.
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It is useful to note and to interpret an important fact: the current remains
constant along the channel but the electron density is decreasing. To maintain the
current constant along the channel, i.e. to carry the same amount of charge in a
certain time interval along the channel, the velocities of electrons have to
increase from the source end to the drain end of the channel. Even more dra-
matically, the electron velocity theoretically has to reach infinity in the case of
pinch-off of the channel, since the inversion charge decreases to zero. But it is
known that the velocities of the electrons (and holes) cannot exceed a certain
limit value and approach asymptotically this “saturation velocity”, vg,. In
Fig. 1.4(c) the velocity of electrons along the channel is plotted. The dashed
curve corresponds to the theoretical behavior, without any velocity limitation.
The solid curve takes into account the velocity limitation. It is obvious that,
owing to this limitation, the electron density does not decrease to zero but has a
finite value to maintain the drain current with the limit velocity.

(c) If V(L) = Vps < (Vgs — V), the effective channel voltage is always positive
along the channel. In other words, the channel does not pinch-off. From another
point of view this can be interpreted such that the distance of the pinch-off point
(L) is longer than the channel length. The drain current in this case can be solved
from (1.6), for y = L and V.(y) = Vps as

w 1
Ip = uncoxf (VGS - VT).VDS —3 VI%S (1_93)
which reduces to (1.8a) for Vps = (Vgs — V1), as expected. The variations of

the effective channel voltage, the inversion (electron) charge density and the
velocities of electrons along the channel are plotted, qualitatively, in Fig. 1.5.

For this “pre-saturation” region the variation of the drain current for small Vpg
values can be written as

IDgp—nCOX%(VGS_ V1)Vps for Vps < (Vos — Vr) (1.9b)

This means that the drain current is proportional to the drain—source voltage.

In other words the transistor acts as a resistor in this region. That is why this
region is also called as the “resistive region”.

(d) For V(L) = Vps > (Vgs — V1), the transistor is in saturation. Assume that the
transistor is pinched-off at the drain end of the channel and then the drain-source
voltage increases by AVpg. The effective channel voltage becomes equal to zero
(the channel voltage becomes equal to (Vgs — V) at a distance L' smaller than L.
Since the current (/p) and the electron velocity (vg,) are constant in the interval
L' — L, the field strength is approximately equal to the critical field strength, E.,
which implies a linear variation of the potential along the pinched-off portion
of the channel. Corresponding variations of the effective channel voltage and
the charge density along the channel are shown in Fig. 1.6(a) and (b). Note that
the critical field strength must have a value corresponding to the saturation
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Figure 1.5 The variation of (a) the effective channel voltage, (b) the corresponding inversion
charge and (c) the velocity of electrons along the channel for a transistor operating in the
resistive (no pinch-off) region.

velocity, that is around E.,= 10> V/cm for silicon.” Correspondingly, the vel-
ocity of electrons is equal to the saturation velocity along the pinched-off region
of the channel, as shown in Fig. 1.6(c).

From these considerations we can conclude that

Vos — (Vs — V)

1.10
Esat ( )

AL=(L—1)=

The influence of the drain—source voltage on the drain current at a certain channel
length can now be calculated:

1 w
1D(sat) = EﬂnCOXT(VGS - VT)Z
d/p dlp dL 1 1
= —X = |-Ip=|x|———)=A.1 1.11
dVps  dL dVpg < DL) < Esat> ° (L11)

3 This field strength must not exceed the “breakdown field strength”, which is approximately 3 x 10° V/cm
for silicon. When the field strength approaches to this value, the silicon crystal structure tends to break
down and the drain current increases further.
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Figure 1.6 The variation of (a) the effective channel voltage, (b) the corresponding inversion
charge and (c) the velocity of electrons along the channel for a transistor pinched-off before the

drain end of the channel.

where

1
A= 1.12
L-Esat ( )

Equation (1.11) gives the slope of the output characteristic curve corresponding to a
certain Vg, at the beginning of the saturation region, and is equal to the output
conductance of the transistor (gqs) for this point. Thus, the drain current corresponding to
any drain—source voltage for the same gate—source voltage can be calculated as

Ip = Ip (sa) + &as(Vps — Vs (sat)) = Ib (sat) + &as[Vps — (Vas — V1) (1.13)
From (1.12) and (1.13) the drain current can be written as

1
Ip =1
P T = Albs = (Vos = V)

Using simple linear relations as shown in Fig. 1.7, it is possible to express the drain
current in terms of the conventional “lambda parameter” as

~ Iy an {1 + AlVbs — (Vas — Vr)]} (1.14a)

1+ AVps 1 w 1+ AVps (1 14b)

In = Ip sa) ————25 =~ Cox— (Vgs — V-
DT D Ve — 1) 2N 7 Fas T)H—/I(VGS—VT)
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Figure 1.8 The output characteristic curves of a typical NMOS transistor. The border between the
resistive region and the saturation region corresponding to Vpg = (Vgs — V) is plotted as a
dashed line.

For Vps > (Vgs — V), (1.14a) can be simplified as

1 w
Ip = Ip (say (1 + 2.Vps) = 4, Cox 1 (Vas = V1) (1 + 2.Vps) (1.15)

This expression is commonly used to model the “channel length modulation effect”.
However, it should be kept in mind that this approximation is not very accurate,
especially for short-channel devices.

In Fig. 1.8 the output characteristic curves of an NMOS transistor covering these
three characteristic features, namely the pre-saturation (or resistive) region, the onset
of the pinch-off and the saturation region, are given. For PMOS transistors the
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characteristic curves have a similar shape. But since in PMOS transistors the gate—
source voltage must be negative to induce a p-type inversion layer, and consequently
the polarities of the drain—source voltage and the drain current are negative, all
voltages and currents on the characteristics must be marked as “negative”.

The initial slope of the characteristic curve corresponding to a certain gate—source
voltage can be calculated from (1.9a) as

dlp
dVps

w
—(Vgs — V1)

= u, Cox I (

and the inverse of this conductance is called the “on resistance, r,,” of the transistor:

1
g Cox & (Vas — V)

which expresses the series resistance exhibited by the transistor when it is used as a
switch.

For analog applications, a MOS transistor is — almost — always used in the saturation
region. Therefore, the parameters corresponding to this region have prime importance
and will be investigated in detail, later on.

(1.16)

Yon

Current—voltage relations under velocity saturation
In Section 1.1.1.1 we have seen that the velocity of electrons reaches the “saturation
velocity” at the drain end of the channel. In Fig. 1.9 the velocity of carriers in silicon is
shown as a function of the lateral electric field strength. The saturation velocities of
electrons and holes are approximately 10 cm/s and 8 x 10° cm/s, respectively, in bulk
silicon. The initial slope of the velocity curve corresponds to the low field mobility of
electrons and holes. It has been shown that the saturation velocities of electrons and
holes in the inversion layer of a MOS structure are considerably lower than that in bulk
silicon and are given as 6.5x 10 cm/s and 5.85x 10° cm/s, respectively [1].

We have also seen that velocity saturation can extend towards the source end of the
channel under certain bias conditions. To understand this behavior, it is useful to
consider the plot given in Fig. 1.9, which displays the generic behavior of carrier

Vsat

~0.8v

sat

E E

cr

Figure 1.9 Velocity of carriers versus the lateral electric field strength in silicon.
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velocity (electrons and holes) as a function of the lateral electric field strength in the
channel. This plot indicates that:

e the velocity of electrons (and holes) increases proportionally with the lateral
electric field strength (parallel to the direction of current) until it reaches the
vicinity of the so-called “critical field strength” (E.,);

e the proportionality factor is called the “low-field mobility” of electrons and holes:

o= —, . E Vp =y E (1.17)

The minus sign in the first expression indicates that the velocity of electrons is in
the opposite direction of the electric field;

e as already mentioned, the saturation velocities of electrons and holes in the
inversion layer of a MOS transistor are 6.5%10° cm/s and 5.85x10° cm/s,
respectively;

e carrier mobility, critical field strength and the saturation velocity are related as

Eon 2228 Eop 2 2 (1.18)
u

e the carrier velocities corresponding to the critical field strengths are approximately
equal to 0.8 X vy

e a final remark; the mobility of electrons (and holes) in the channel of a MOS
transistor also depends on the transversal (perpendicular to the direction of the
current) electric field strength [2], [3], [4]. This secondary effect must not be
neglected for thin gate oxide (small geometry) devices (see Appendix A).

In a transistor operating in the pinched-off (saturated) regime, electrons travel under
velocity saturation conditions at the drain end of the channel, as seen in Fig. 1.6(c). If
the length of this region is only a small fraction of the channel length, the effects of the
velocity saturation can be neglected. Especially for short channel devices, electrons
can travel under velocity saturation conditions in a major part of the channel, even
along the whole channel. In these cases the expressions derived under the assumption
that the mobility of carriers is constant along the channel are no longer valid, and new
expressions must be derived.

Now consider an NMOS transistor in which velocity saturation conditions are
observed along the entire length of the channel, and consequently all electrons in the
channel travel with the saturation velocity. Since the current is constant and the
velocity of electrons is equal to the saturation velocity, the charge density also must be
constant along the channel. This is equal to the charge density at the source end of the
channel (1.2), and the total charge in the channel region is

Oi = WLCox(Vas — Vr) (1.19)

If this charge is being swept in 7 seconds, that is t = L/vg,,, the drain current under
velocity saturation conditions becomes

[D(vfsat) = WCOX(VGS - VT)Vsat (120)
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Figure 1.10 Comparison of normal saturation and velocity saturation.

From (1.18) and (1.20) we can write
ID(v—sat) = WCox(VGS - VT)(,UnEcm) (121)

For smaller values of the field strength this expression reduces to
w
Ip = ptCox = (Vas = V1)Vbs (1.22)

which is identical to the current expression in the resistive region (1.9a) for small
values of Vpg, plotted in Fig. 1.10 with a dashed line. For the rest of this curve there
are two alternatives.

e If the velocity saturation does not exist, the transistor enters into the normal
saturation region at Vpgsiary = (Vs — Vr) and the current saturates, as shown with
curve A, to a value given in (1.8).

e If the velocity of the electrons reaches saturation velocity, the current saturates to
the value given in (1.20), as shown with curve B. For this case the drain—source
voltage corresponding to the onset of the velocity saturation can be found from
(1.21) and (1.22) as

Lvsat

VDS (v—sat) = (1.23a)

n

Until now we have assumed that the velocities of electrons in the channel of a
velocity saturated NMOS transistor are equal to the saturation velocity that corres-
ponds to the extreme velocity saturation. From an inspection of Fig. 1.9 we see that the
saturation starts at a lower field strength and the velocity of electrons asymptotically
approaches vy, Therefore it is more realistic to modify (1.23a) as

Lkvsat
My

VDS (v—sat) — (123]3)
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where k is a constant smaller than unity, (e.g., k = 0.8), corresponding to the critical
field strength can be used as an appropriate value. Similarly, the drain current under
velocity saturation conditions starts to saturate at approximately kvg, and gradually
increases to vg,. Therefore, modifying (1.20) as

ID (v—sat) — kWCox(VGS - VT)Vsat (1203)

is more realistic.
Now we can interpret the results related to the velocity saturation.

o If Vpg(v—sap is smaller than Vpg (s, the transistor is in the velocity saturation
regime. This leads us to an expression for checking if a transistor is in velocity
saturation:

Lkvs, Vos — V-
—‘t<(Vgs—VT)—>L<—H( as T)

1.24
My kveat ( )

e According to (1.23a), for a transistor operating in the velocity saturation region,
the saturation voltage is not only smaller than the normal saturation voltage, but
is also independent of the gate—source voltage. This is a valuable property for
circuits that have a tight supply voltage budget. For example, foran L = 0.13 um
transistor with Vr = 0.25V and u,, = 200 cm?/V.s, the calculated value of Vpg (v—sat)
is 0.34 V.

e The velocity saturation is a small-geometry phenomenon. For example, assuming
0.2V gate overdrive and u, =400 cm?/V.s electron mobility, an NMOS transistor
is subject to velocity saturation if the channel length is smaller than 0.15 pm.

e Since the hole mobility is always smaller than the electron mobility, velocity saturation
occurs only for extremely short channel PMOS transistors. For example, assuming
0.2V gate overdrive and u,, = 150 cm?/V_s hole mobility value, a PMOS transistor can
enter into the velocity saturation regime only if the channel length is smaller than 85 nm.

e For a certain gate length, the transistor may enter the velocity saturation regime if the
gate overdrive voltage increases. For an L = 0.13 pm transistor with Vpy = 0.25V
and u, = 200 cm?/V.s, the velocity saturation occurs for (Vgs — V1) > 0.34'V, or for
Vgs > 0.59V.

e According to (1.21), for a velocity saturated transistor the drain current is linearly
related to the gate voltage. In Fig. 1.11(a) the gate—source voltage to drain-current
transfer characteristics of a W/L = 13 um/0.13 um and a W/L = 130 um/1.3 pm
transistor are shown. The quadratic characteristic of the long channel transistor
that is not subject to the velocity saturation is obvious. For the short channel
transistor the characteristic is linear after the onset of velocity saturation.

e In Fig. 1.11(b) the output characteristics of a 0.13 um NMOS transistor are shown.
Approximately equal intervals between the curves indicate the linear relation of
the drain current to the gate—source voltage. The small and almost constant value of
the drain—source saturation voltage is about 0.4 V (which approximately matches the
calculated value). The nature of velocity saturation in small-geometry devices can be
best appreciated when these curves are compared with the characteristics of a long
channel (non-velocity saturated) transistor shown in Fig. 1.11(c).
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Figure 1.11 (a) Ip = f(Vgs) characteristic curves of a typical 0.13 micron technology transistor;
(A) non-velocity saturated 130 um/1.3 pm, (B) velocity/saturated 13 pm/0.13 pum transistor.

(b) The output characteristics of a 13 um/0.13 um transistor. Note the effects of the velocity
saturation. (c) The output characteristics of a 130 um/1.3 pum transistor. (Vgs = 0.6 Vto 1.2V,
with 0.2 V intervals.)

The sub-threshold regime

Until now it has been assumed that for gate—source voltages smaller than the
threshold voltage Vr the drain current of the transistor is zero. But it is known that
a very small drain current flows for gate—source voltages considerably smaller than
the threshold voltage. This is called the “sub-threshold” current and it can be
controlled by the gate—source voltage. In this section the sub-threshold regime will
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Figure 1.12 (a) Cross-section of an NMOS transistor, with its source connected to the bulk (or to
the appropriate well). (b) The transistor is represented as a BJT, with its base region (bulk)
connected to the emitter (the source region of the NMOS transistor).

be explained with a different approach based on the basic behaviors of the bipolar
transistors.

Figure 1.12(a) shows the simplified cross-section of an NMOS transistor. When the
channel is not inverted, this structure can also be interpreted as an npn bipolar junction
transistor (BJT) such that the source, substrate and drain of the MOS transistor cor-
respond to the emitter, base and collector of the bipolar transistor, respectively. The
base of the BJT is connected to its emitter, as shown in Fig. 1.12(b).

From BJT theory it is known that the basic Ebers—Moll or Gummel-Poon expres-
sions can be reduced to

IC = —ICBs(eiycs/VT — 1) (125)
for Vgg = 0, where Icps is the reverse saturation current of the collector-base
junction when the emitter is short-circuited to the base” [5]. Icgs can be expressed as

D, D,
Icps = qAn-2<p + P > 1.26a
! pOLn nnOLp ( )

where ¢ is the unit charge, A is the cross-section of the collector junction, #; is the intrinsic
carrier density of silicon, D, Dj, are the diffusion coefficients, L,, L, are the diffusion
lengths of electrons and holes. p,o and n,, are the majority carrier concentration in the
p-type and n-type regions that correspond to the base and collector regions of the bipolar
transistor, also to the substrate and source/drain regions of the MOS transistor. Since the
source and drain doping densities (corresponding to the majority carrier concentrations)
are always much higher than that of the substrate, (1.26a) can be simplified as
5 Dy 1

1 >~ gAn: =M— 1.26b
cbs =4 ' PooLn Ppo ( )

4 The Vr is equal to (k7/g) and must not be confused with the threshold voltage of the MOS transistor. At
room temperature (k7/g) is approximately 26 mV. To prevent any confusion the threshold voltage of the
MOS transistor will be shown as Vqy, in this section.
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Figure 1.13 The variation of the surface potential as a function of the gate voltage for an NMOS
structure (Coy = 5% 1077 Flem?). The upper curve (A) was calculated for Ny = 10" cm 3, and
the lower curve (B) for No = 10" em ™2,

which corresponds to the drain current of the NMOS transistor in sub-threshold.

It is known that the carrier concentrations in the channel region depend on the
surface potential. The hole concentration on the surface of the channel region in terms
of the surface potential (i) is given as

p;)O = Ppo e(_V/s/VT) (1.27)

For gate voltage values considerably smaller than the threshold voltage of the
transistor, it can be shown that the surface potential is approximately proportional
to the gate voltage, as shown in Fig. 1.13 [6]. Hence (1.27) can be written as

Pho = ppo et "o/ (1.28)

where n has a value between 0.6 and 0.9. Equation (1.28) shows us that the gate
voltage controls the hole concentration in the channel and the change of the gate
voltage in the positive direction decreases the hole density in the “base region” of the
npn bipolar transistor. In other words, p,o in (1.26a) decreases to péo as a function of
the gate voltage. Now (1.26b) can be written as

M
Icps = — e"/os/' (1.29)
Po
and from (1.25)
w
Ip = ——Ipo. eVas/Vr(e=Vos/V1 ) (1.30)

where I is a structural parameter (constant) of the MOS transistor and will be shown
as I, in the following.’

5 Note that (a) M is proportional to W and (b) the recombination rate of the electrons injected into the gate
region — which reduces the number of electrons reaching the drain — is proportional to 4.
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Figure 1.14 (a) The sub-threshold drain current as a function of the drain—source voltage for two
different gate voltage values (Vgs2 > Vigs1). (b) The drain current as a function of the gate—
source voltage plotted on a logarithmic /I, scale.

This expression can be evaluated as follows.

For a given value of Vg, the drain current can be plotted as a function of Vpg, as
shown in Fig. 1.14(a). The “corner” of this curve corresponds to Vr = 26 mV.
The drain current starts to “saturate” after this point.

The “family” of curves corresponding to different values of Vgg forms the “output
characteristics” of the MOS transistor operating in the sub-threshold regime. The
separations between these curves vary exponentially, similar to the output char-
acteristics of a bipolar transistor driven with the base-emitter voltage (not base
current).

In Fig. 1.14(b) the variation of the drain current as a function of the gate—source
voltage on a logarithmic axis is shown. For Vpg > Vr,

Ip = [ye"'s/”

n n

v
loglp = logly + VGS x 0.434

Vi
G loge = log/y +
T T

V-

and the inverse slope of the plot, that is usually expressed as the “sub-threshold
slope” in [mV/decade]

S[mV/dec.] = % (1.31)

The numerical values of the sub-threshold slope forn = 0.7 and 0.8 are S = 85.2

and 74.9 [mV/dec.], respectively.

This slope is constant up to the vicinity of the threshold voltage. Then the tran-
sistor leaves the sub-threshold regime and enters the strong inversion regime. This
part of the curve is plotted with a dashed line.
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Figure 1.15 The sub-threshold characteristics of an AMS 0.35, NMOS transistor (W = 35 um,
L =0.35um). (a) The output characteristics (Vgs = 0.25V to 0.4 V, steps: 0.05 V). (b) Ip =
f(Vgs) (A: Vps = 0.5V, B: Vpg = 3V). The sub-threshold slope is 75 mV/dec.

In Figure 1.15(a) and (b) the output characteristic curves and the drain current-gate
voltage characteristics of a 0.35um NMOS transistor are given for operating condi-
tions in the sub-threshold regime, as obtained from PSpice simulations. These curves
are (in principle) in good agreement with the curves given in Figure 1.14. The width of
the pre-saturation region on the output characteristic curves is of the order of Vr, as
expected. This is valuable information for low supply-voltage budget cases.

The drain current of a given transistor under sub-threshold conditions is always
considerably lower than that of the normal (in inversion) operation. Since the
parasitic capacitances of the device are the same for both of these cases, the high-
frequency performance of a MOS transistor operating in the sub-threshold regime is
always inferior compared to the normal operation. Therefore, the sub-threshold
operation must be considered as suitable only for low-frequency and low-power
applications.

Determination of model parameters and related secondary effects

The current—voltage relations given in the previous sections are the most basic
current—voltage relations of a MOS transistor. They are simple enough for hand cal-
culations and suitable for understanding the basic behavior of devices and basic cir-
cuits containing MOS transistors. To use these expressions for hand calculations, the
model parameters in them, namely u, Cox, V1 , A (or A1) and certainly the gate
dimensions (W and L) must be known. In this section we will discuss how to determine
the numerical values of these basic parameters, and related secondary effects that must
be taken into account.
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Mobility
As seen from (1.9b), the drain current of an NMOS transistor is directly influenced
by the mobility of electrons (similarly, by the mobility of holes for a PMOS tran-
sistor) in the inversion channel. But the mobility is not a “constant”. It depends on
the manufacturing process and the bias conditions of the transistor. The low-field
mobility values for a certain process are given by the manufacturer among the high-
level parameter sets, for example BSIM3. The numerical values of the low-field
mobility for electrons and holes are usually in the range of 200500 cm?/V.s and
70-150 cm?/V.s, respectively.® Reliable average values of mobility for a specific
process can be found in the high-level parameter sets (for example BSIM3) supplied
by the manufacturers.

Another important issue is the traversal electrical field dependence of the mobility.
It has been shown that carrier mobilities decrease with the transversal field strength
that depends on the thickness of the gate oxide, the value of the threshold voltage and
the gate voltage7 [3], [4]. This effect is more pronounced for small-geometry (thin
gate oxide) processes. For example, for T, = 5 nm, VT = 0.5 V and Vgg = 1V, the
electron mobility decreases to approximately 75% of its low-field value. The obvious
result of this important secondary effect is a considerable discrepancy of the drain
current from the value calculated from (1.8a), assuming constant mobility. In
Fig. 1.16 the Ip = f(Vgs) curve (the transfer characteristic) of a MOS transistor is
given with and without the influence of the transversal field. From the comparison of
these curves it can be seen that

e owing to the transversal field the drain current decreases considerably for high
gate-voltage values;

e owing to this effect the transfer characteristic appears to be more “linear” than
quadratic;

e the slope of the transfer characteristic at a certain operating point (i.e. the measure
of the gate—source voltage dependence of the drain current, which is called the
“transconductance parameter” of the transistor) decreases considerably.

This effect is obviously a small-geometry problem and must not be overlooked
when the gate oxide thickness is smaller than 10nm. For hand calculations, it is
convenient to use the u value corresponding to the actual gate—source bias voltage of
the transistor in the circuit.

Gate capacitance
The gate capacitance corresponds to the maximum value (i.e. for accumulation or strong

inversion) of the gate-bulk capacitance per unit area. Its value can be calculated as
o E0€ox

Con = (1.32a)

S In the model parameter lists released by the manufacturers, the mobility is given in [cm*/V.s] or [m*/V.s].
Care is necessary to use the same dimension for length in calculations.
7 See Appendix A.
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Figure 1.16 The transfer characteristic of an NMOS transistor (u,o = 500 cm?/V.s, to, = 5 nm,
Vr = 0.5V and W/L = 0) when the transversal field effect is neglected (A) and not
neglected (B).

If we insert the values of & and &, (8.85x 10~ F/cm and 3.9 for silicon dioxide as
the gate insulator) and express the gate oxide thickness in nm for convenience, (1.32a)

can be arranged as
34.5

Cox =
© Tox[nm]

%1077 [F/cm?] (1.32b)

The value of the gate capacitance is one of the most accurately determined par-
ameters of a MOS transistor and depends only on the thickness of the gate oxide, Ty.
The value of T,, is usually in the range of 2 to 8 nm for sub-micron transistors.” An
important issue related to the gate oxide thickness is the electrostatic breakdown of the
gate dielectric. The breakdown field strength for silicon dioxide is given as 10 MV/cm,
which corresponds to 1 V per nm. This high sensitivity of the gate oxide with respect
to breakdown (an irreversible device failure mechanism) usually requires special
measures to prevent the gate-bulk voltage reaching the breakdown value.

Threshold voltage

The threshold voltage, from the point of view of the circuit designer, is the gate—source
voltage for which an appreciable drain current starts to flow. It is well known from
device physics that the value of the threshold voltage depends on several structural

8 The production tolerance of the gate oxide thickness is usually within + 10%. Consequently the “most
robust” parameter of a MOSFET, C,, can have a value 10% higher or lower than the given value.
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(a) (b)

Figure 1.17 (a) Example where transistors (M1 and M2) are not subject to substrate bias effect.
(b) Example where M2 and M3 are subject to substrate bias effect.

parameters such as the doping concentration of the bulk (or well), the type of the gate
material, the oxide and oxide—silicon interface quality, the threshold adjustment
implant dose, etc. However, many of these process parameters are considered as the
“intellectual property” of the IC manufacturer, and hence not available to circuit
designers. The “basic” threshold voltage is given in the parameter list of advanced
simulation models as (VTHO). It is the threshold voltage of a large transistor when the
source is connected to the bulk (or to the appropriate well). Several effects influencing
the value of the threshold voltage have been theoretically investigated in detail [7], [8]
and also included into the advanced models. These secondary effects can be ignored
for the hand calculations, with one exception: the substrate bias effect.

The MOS transistors in a CMOS circuit are usually operated with the source con-
nected to the n-well for NMOS transistors and to the p-well for PMOS transistors, as
shown in Fig. 1.17(a). But in some cases a series connection of same-type transistors is
needed, as shown in Fig. 1.17(b). In this case the source regions of M1 and M4 can be
connected to the appropriate wells. But the source of M2 is connected to the drain of
M1, and has to be separated from the well. This means that there is a positive voltage
between the source of M2 and the p-well. Similarly, there is a negative voltage
between the source of M3 and the n-well. This bias (Vsg) increases the magnitude of
the threshold voltage. It has been shown that the increase of the threshold voltage
depends on a number of structural parameters such as the gate oxide thickness, the
doping concentration of the substrate and the doping properties of the channel region,
and modeled in detail in advanced models.

For hand calculations the substrate bias effect can be ignored and left to the fine-
tuning of the circuit as a whole with SPICE. If the accurate values of the threshold
voltages are needed in the hand-calculation stage, it is possible to use SPICE simu-
lations to obtain the actual threshold voltage of a transistor under a specified substrate



1.1.2.4

1.1 MOS transistors 23

Iy (mA)
1.2
A
0.8
/ B/
0.4
/S
0 pavd
0 0.5 1.0 1.5 Vgs (V)

Figure 1.18 The Ip = f(Vgs) transfer curves of an L = 0.35um, W = 10um NMOS transistor
obtained from PSpice simulation with BSIM3-v3 parameters (A) for no substrate bias, (B) for
1V substrate bias.

bias condition. Assume that the drain—source voltage of M1 in Fig. 1.17(b) is 1V.
It means that the source of M2 is 1 V positive with respect to ground. In Fig. 1.18 the
Ip = f(Vgs) curves of a transistor for Vgg =0 and Vgg = 1 V are shown, obtained from
a simple SPICE simulation. From these curves the threshold voltages for no substrate
bias and for a 1 V substrate bias can be found to be 0.5 V and 0.7 V, respectively. This
example shows that the substrate bias can significantly change the value of the
threshold voltage, and must not be easily ignored.

Channel length modulation factor

It is known that the drain current does not remain constant in the saturation region
but exhibits a gradual increase with the drain—source voltage. This effect is modeled
by the A parameter for low-level models. In these models it is assumed that the
saturation region tangents of the output characteristic curves intersect the horizontal
axis at the same point and the voltage corresponding to this point is —1/4. This effect
is modeled in detail in advanced high-level models. In Fig. 1.19 the output char-
acteristics of an NMOS transistor obtained from SPICE simulation with BSIM3-v3
parameters are shown. The attempt to determine the 4 parameter (or similarly the A
parameter defined in Section [.1.1) from these curves shows that for a realistic
transistor the tangents do not intersect the horizontal axis at the same point and
therefore it is not possible to find a single 4 (or A) parameter that is valid for all
operating conditions.

On the other hand 4 (or A) is a useful parameter for hand calculations to determine the
DC operating points with better accuracy and to calculate the small-signal parameters
corresponding to a certain operating point. A solution is to determine the value of 4
corresponding to the actual operating point from the characteristic curves.
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Figure 1.19 Determination of the 4 parameter from the output characteristic curves obtained from
SPICE simulation with BSIM3-v3 parameters. Note that it is not possible to find a unique 4
parameter value that is valid for all operating points.

Gate length (L) and gate width (W)

The device parameters (such as mobility, threshold voltage, etc.) reviewed in the pre-
vious sections are usually not considered as design parameters; their values are mostly
dictated by the process technology, and the circuit designer has little or no influence on
the setting of their values. The only significant design freedom is found in choosing the
dimensions of the gate, namely the gate length (L) and the gate width (W). These
dimensions are usually called the “drawn” geometries, i.e. the dimensions on the mask
layout. Note that the actual dimensions on the chip are always somewhat different from
these values, as a result of the lithography and etching steps of fabrication.

It will be shown in the following sections that the high-frequency performance of a
MOS transistor strongly depends on the gate length of the transistor; shorter channel
lengths provide better high-frequency performance. Consequently it is wise to use
the minimum possible channel length value’ for a certain technology, if the high-
frequency performance has prime importance. It is also known that the small-signal
output resistance of a MOS transistor is smaller for shorter channel lengths. But a high
output resistance is desired for certain types of circuits, e.g. for current sources.
Therefore, a trade-off must be made and the designer has to decide on the appropriate
channel length for each transistor, sometimes following several iterations guided by
hand calculations and/or by simulations.

It is known that the saturation drain current is proportional to the aspect ratio (W/L)
for a non-velocity saturated MOS transistor and proportional to the channel width (W)

° The usable minimum channel length is usually a part of the name of the technology. For example,
TSMCO18 indicates that for this technology offered by TSMC, the minimum “drawn” channel length is
0.18 micrometers.
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for a velocity saturated transistor:

1 w
_,uncox - (VGS - VT)2

Ip = ID(sat) = > I .
—lKPK(V — V1) e

- 2 L GS T
Ip (v—sat) — kWCox(VGS - VT)Vsat (120b)

The gate—source voltage dependence of the drain current, called the transconduc-
tance parameter, is also proportional to W/L for a non-velocity saturated transistor
and proportional to the channel width W for a velocity saturated transistor:

d7 w / w
8m(sat) = ﬁ = :uncox I (VGS - VT) =4/ 2uCo IID (1 33)

8m(v—sat) = KW Cox Vsar (134)

These four expressions indicate that a wider channel provides higher drain current and
higher transconductance. But a wide channel means higher area consumption on the
chip and higher parasitic capacitances that affect the high-frequency performance of
the device. Therefore, there is another design trade-off related to the dimensions of the
transistors in a circuit.

For a given process technology (i.e., for a given KP = uC,, value), (1.8) can be
normalized as

= Ves =V’ (1.35)

In Fig. 1.20, the gate overdrive is plotted against the aspect ratio (W/L) for different
values of the K parameter. From this figure, the necessary aspect ratio corresponding to
an “acceptable” gate overdrive can be easily found, for a certain drain current (or vice
versa). Note that the gate overdrive voltage is also the saturation voltage of the
transistor, and must be “acceptably” small, especially if there are a number of tran-
sistors sharing the total DC supply voltage as in Fig. 1.17(b).

Parasitics of MOS transistors

The “parasitics” of a MOS transistor correspond to all non-intentional and non-
avoidable passive or active devices that exist around the MOS transistor. Namely,
they are the parasitic capacitances between different regions of the MOS transistor,
the resistances associated with the several terminals of the device, the p-n junctions
(for example the drain—well junction) that are the integral parts of the MOS tran-
sistor, and similar bipolar structures.'’ These parasitic p-n junctions and bipolar
transistors are normally reverse-biased such that their currents are negligibly small.

10 It is known that the so-called “latch-up” effect in CMOS inverters is a result of the parasitic bipolar
transistors that are integral parts of the structure.
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Figure 1.20 Variation of (Vgs — V) as a function of the aspect ratio. The parameter K = I/(KP/2)
is plotted from K = 0.01 to K = 100 with intervals 1, 2, 5. Note that for PMOS transistors the
absolute values of (Vgg— V1) and K must be used.

But for VLSI circuits containing millions of MOS transistors, the sum of these
reverse-biased junction currents, also called the substrate currents, becomes a severe
problem.

Parasitic capacitances

In Fig. 1.21 the parasitic capacitances and resistances of a MOS transistor are shown.
These parasitic elements are all geometry dependent. Some of them, for example the
junction capacitances, are also technology and bias dependent. In this section,
the parasitic capacitances of MOS transistors will be examined under saturation
conditions.

The total gate—source capacitance, Cys
The gate—source capacitance of a MOS transistor biased in the saturation region is the
sum of the two components; the gate capacitance (Cg) corresponding to the carrier
charge in the inversion layer that is induced and controlled by the gate—source voltage
and the gate—source overlap capacitance (Cgso).

The incremental inversion layer charge of a transistor operating in the saturation
region as a function of the channel voltage, V.(y) was obtained as

d0i(y) = —CoxW[(Vas — V1) = Ve(y)ldy (1.2)
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Figure 1.21 The parasitic capacitances and resistances of a MOS transistor.

If we insert the channel voltage that was given with (1.6) into (1.2), we obtain

2Ip
(Vas — V)

At the onset of saturation, i.e. y = L, (1.36) can be simplified as

dOi(y) = —CoxW (Vs — Vr)y /1 — %.dy (1.37)

If we integrate (1.37) along the channel we obtain the total inversion charge in the
channel as

dQ,(y) = _CoxW(VGS - VT)\/l — u cw 2y.dy (136)

_ 2
0 = §COXWL(VGS — V) (1.38)
and the corresponding capacitance as
4o, 2
C, = =—-Cox WL 1.39
£ dlgs 37 (1.39)

The physical parameters necessary to calculate the value of the gate—source
overlap capacitance, Cgq,, are usually not readily available. But the value of
this capacitance per unit width of the channel (CGSO) is given among the
model parameters, usually in F/m. Hence the total gate—source capacitance can be
written as

2 2
Cos = 5 CoxL + Cyso = 3 Cox WL + (CGSOX V)

or for a certain channel length L,

2 2 CGSO
Cos = W 5 CoxL + CGSO | = Cox WL | = + = Cox WL X ky| (1.40)
3 3 Cul
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Example 1.1 The capacitance-related parameters of a typical 0.18 micron tech-
nology are

gate oxide thickness: TOX = 4.2E-9 [m],

gate—source overlap capacitance: CGSO = 1.21E-10 [F/m].

Calculate the gate—source capacitance of a 20 um/0.18 pum transistor.

Let us first find the value of the gate capacitance from (1.32a):

345
T 42

Since TOX and CGSO are given in terms of [m], C,, must be converted to [F/mz]:

Cox %1077 = 8.2x1077 [F/cm’]

Cox = 82 x 1073 [F/m’]
From (1.40)

- - (2 1.21x10°10
Cos = 8.2x107°x(20x 107¢) x (0.18 x 10 6)<§+ (8.2><1o3)><(o.18><106)>

=29.5x107"%(0.749) = 22.1x 107" F = 22.1 fF

An important piece of information obtained from this example is that the overlap
capacitance is more than 10% of the total. It means that the overlap capacitance for
short channel transistors is not a secondary component of Cg, and must not be
ignored.

Problem 1.1 Derive an expression for the gate—source capacitance of a MOS tran-
sistor operating in the velocity saturation region.

(Answer: Cgs = Coxy WL+ (CGSOXW))

The drain-gate capacitance, Cyq

The drain—gate capacitance of a MOS transistor consists of only the drain—gate overlap
capacitance. Although this is a small capacitance in magnitude, it has a very important
influence on the high-frequency performance of the MOS transistors, as will be
explained later on. Similar to the gate—source overlap capacitance, its value per unit
width (usually per meter) is given in the model parameter lists as (CGDO). Therefore the
value of the drain—gate capacitance of a MOS transistor can be found as

Cy4g = (CGDO) x W [m| [farad] (1.41)

The gate-substrate capacitance, Cgp,

Its value is given as CGBO, i.e. the gate-substrate capacitance per unit length of the
channel. Since the channel lengths of transistors are usually small, the gate-substrate
capacitance always has a small numerical value compared to the other parasitic
capacitances and can be easily neglected for hand calculations.
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The drain—substrate and source—substrate capacitances, Cq, and Cgp

Cgp (and similarly Cg,) is the total junction capacitance of the drain—substrate
(or drain—well) junction, that must be biased in the reverse direction. These junctions
have two parts that are different in nature; the bottom junction and the side-wall
junctions. It is known from the basic p-n junction theory that the capacitance of a
reverse-biased junction decreases with the magnitude of the bias voltage. The variation
of the capacitance depends on the doping properties of the junction:

G =co(1-7)
?B
where Cj(0) is the value of the capacitance for zero bias, ¢g is the built-in junction
potential and m is the grading coefficient of the junction, whose value varies between
1/3 and on 1/2, depending on the doping profiles.

In the model parameter lists, the value of the junction capacitance for zero bias is
given in two parts: (CJ) is the bottom junction capacitance per unit area (usually in
farad per square meter) and (CJSW) is the side-wall junction capacitance per unit
length (usually in farad/meter). The grading coefficients for these junctions are also
given separately as (MJ) and (MJSW). The built-in voltage is represented by (PB).

For hand calculations, this capacitance can be taken into account with some sim-
plifying assumptions. Although somewhat pessimistic, using the zero-bias value of the
junction capacitance is a simple but convenient approach.

Example 1.2 The simplified plan view of a MOS transistor fabricated with the AMS
0.35 micron geometry is given in the figure. The dimensions of the transistor are L =
0.35 pm, W = 20 um. The widths of the source and drain regions are typically X =
0.85 um. The related model parameters are given next to the figure. Calculate the
source and drain junction capacitances (a) for V=0, (b) for V= —1V.

(a) The bottom area of the junction:
A= XxW = (085x107% x(20x107% = 17x107'? [m?]
The bottom junction zero bias capacitance:
G(0) = (CHXA = (94x107H(17x107"?) = 159.8x 10 '° [F] = 15.98 [{F]
The total length of the side-wall junction:
Lsw = 2X(X + W) = 2x(0.85x107°+20x107°% = 41.7x107° [m]
The total side-wall capacitance:
Ciew(0) = (CISW) X Lgw = (2.5x107'%) x (41.7x107% = 10.425 [fF]

e— w —]
l
D x CcJ 94 e-4
! CJSW  2.5e-10
L T MJ 34e-1
T MJSW 23e-1
S PB 6.9e-1




30

1.1.3.2

Components of analog CMOS ICs

The total zero bias junction capacitance:
Cit(0) = Cj(0) + Cjsw(0) = 26.4 [fF]
(b) The bias-dependent factor for the bottom capacitance for 1 V reverse bias:

1 034
(1 - %) =0.737

The bottom junction capacitance for 1V reverse bias:
Ci(—1)=15.98x0.737=11.78 [fF].
The bias-dependent factor for the side-wall capacitance for 1V reverse bias:

1)\ 023
(1 - %) =0.814

The side-wall junction capacitance for 1 V reverse bias:
Cisw(—=1)=10.425x0.814 = 8.48 [fF].

The total junction capacitance for 1 V reverse bias:
Cit(—=1)=11.78 +8.48 = 20.26 [{F].

That is 6.14 fF (23.3%) smaller than the zero bias value.

The high-frequency figure of merit
An important definition for a MOS transistor that is related to the parasitic capaci-
tances of the device is the “high-frequency figure of merit”, f1. It is known that the
low-frequency input current of a MOS transistor is practically zero, and conse-
quently the low-frequency current gain is infinite. At higher frequencies, on the other
hand, the capacitive current that flows into the gate terminal becomes non-negligible.
Hence, the current gain decreases at high frequencies. fr is defined as the frequency
for which the magnitude of the current gain is equal to unity.

The capacitive (small-signal) input current of a MOS transistor can be expressed as

I; = Vg5.5Cgq

where Cy is the total gate—source capacitance of the transistor.
The maximum value of the output signal current can be written from the definition
of the transconductance, as i, = gm Ves. From these expressions the current gain can

be written as
_lo_ &m

i =
i §Cy

Consequently, fr is found to be

1 gm
—_°om 1.42
Jr 21 Cye (1.42)
It is instructive to compare this expression for a non-velocity saturated and a
velocity saturated transistor.
For a non-velocity saturated transistor the input capacitance that was given in (1.40)
can be found as
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2 CGSO
Coe WLCyikyy = WLCoy (2
¢ ! (3 TN )

The transconductance of a non-velocity saturated transistor was given in (1.33).
From (1.40) and (1.33), fr can be arranged as

1 u(Ves — V1)

fl
2] 2 CGSO
lz(__|__)

(1.43a)
LCos

and in terms of the drain current,

1 Ip
=—A\/— 1.43b
Jr 2n w ( )

where A is a technology-dependent parameter and can be calculated from

2u
A= | 1.43
12, Coxl? (1.43¢)

This expression indicates that, for a non-velocity saturated transistor

e fr increases with mobility. Therefore, NMOS transistors exhibit better high-
frequency performance.

e frincreases with the gate bias voltage (gate overdrive) and consequently with the
DC current of the transistor.

e fr strongly depends on the gate length. Therefore short channel devices are better
for high-frequency applications.

For a velocity saturated transistor, using the transconductance expression given in
(1.34) and the gate—source capacitance found in Problem 1.1, fr can be expressed as

1 kvsat
fr=——r— 2 (1.44a)
271 (1+550)
and,
1 k1
fT = Ek_()lzvsat (144]3)

From this expression we conclude that

e Since the saturation velocity of holes is only slightly smaller than that of electrons, the
high-frequency performance of velocity saturated PMOS transistors is comparable to
that of the NMOS transistors.

e The gate length dependence of fr for a velocity saturated transistor is not as strong
as a non-velocity saturated transistor.

e For a velocity saturated transistor fr is independent of the DC operating conditions.

The parasitic resistances
The effects of the series source (or drain) resistances of small-geometry transistors can
be examined in two parts: the intrinsic resistance and the extrinsic resistance. The
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intrinsic resistance is the sum of the resistance of the accumulation layer in the source
region induced by the gate voltage and the spreading resistance from the accumulation
layer to the bulk of the source [9], [10], [11], and this component varies with the gate
voltage. The extrinsic source (or drain) resistance is composed of the source region
resistance and the resistances of the related silicon to metal contacts.

All these components are modeled in high-level simulation models and the asso-
ciated model parameters are provided by the manufacturers. In these models the source
and drain series resistances are usually evaluated and modeled together as a total series
resistance [12], assuming that the structure is symmetrical and the source (or drain)
series resistance is equal to one half of the total series resistance. It must be stressed
that for analog design these two parasitics have to be considered as separate resistors.
Although the magnitudes of these resistors are equal, their effects on the behavior of
the device in a circuit are not the same. The obvious effect of the series drain resistance
of a MOS transistor is the increase in the saturation voltage, owing to the voltage drop
on this resistance. The different and important effects of the series source resistance
are the decrease of the drain current corresponding to a certain gate—source voltage and
the decrease of the transconductance, as investigated in Chapter 2.

The numerical value of the source (or drain) resistance of a MOS transistor can be
obtained using the model parameters given in BSIM3-v3 parameter lists. In BSIM3-v3
the parameter related to the intrinsic part of the series resistance (RDSW) is given as
the total series resistance per micron width of the transistor. For hand calculation
purposes the gate voltage dependence of this resistor can be ignored and the
approximate value of the series intrinsic source (or drain) resistance can be found as

1 (RDSW)

=3 Wil (1.45)

Si

The total extrinsic resistance (except the contact resistances) is modeled with

(RSH), the sheet resistances of the source and drain regions. If the contacts are placed

at a distance of X/2 from the source (Fig. 1.22), the resistance from the edge of the
source to the line of contacts can be calculated as

Rg. = = (RSH) x (nrs) (1.46)

N —

where (nrs) is defined by the geometry as nrs =X/NW for an N-finger transistor.

The other component of the extrinsic source resistance is the equivalent contact
resistance that is inversely proportional to the number of parallel connected contacts.
The value of a typical contact resistance is given by the manufacturer.

Example 1.3 Let us calculate the source series resistance of an AMS 0.35
PMOS transistor as shown in Fig. 1.22. The dimensions are L = 0.35um, W = 5 um
and X = 0.85 um.

The available parameter values from the data sheets of AMS are as follows:
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Figure 1.22 Plan view of the diffusion regions of a MOS transistor.

RDSW 1.033e+03

RSH 1.290e+02

Contact res. 60 ohm per 0.4 pm x 0.4 um contact from p-diff. to metal—1.
The intrinsic component of the source resistance from (1.45):

Rs; = STum] 103.3 ohm

pum]

N —

1033
[
Source region body resistance from (1.46):

1 0.85
Rge = =129%x | —— | = 10.96 ohm
2 5
The equivalent contact resistance:
60
Rg. = 3= 20 ohm
Hence the total series source resistance is

Rg =103.3 4+ 10.96 4 20 = 134.26 ohm

Problem 1.2 The parasitic resistance related parameters for AMS 0.35 NMOS
transistors are given with their typical and maximum values as follows:
RDSW 345
RSH 75 typical, 85 maximum
Contact res. 30 ohm per 0.4 um x 0.4 um contact, typical, 100 ohm maximum.
Dimension of the transistor is 20 um/0.35um. Number of contacts on source and
drain regions is 10.
Calculate the “worst case” source and drain parasitic series resistances.
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Since the DC gate current is negligible, the gate resistance of a MOS transistor has no
effect on the DC (and low-frequency) performance. But at high frequencies, owing to the
gate capacitance, the gate resistance affects the high-frequency performance of the
device. It must be noted that the gate capacitance and the resistance of the gate con-
ductor form a distributed R-C line along the width of the channel, and the gate signal
applied from one end of the gate electrode propagates along the channel width, until it
reaches the other end of the gate electrode. The propagation delay of this R-C line is
given in [13]. For analog applications it is more interesting to investigate the signal
attenuation along the channel width, as a function of the frequency. The [y] parameters
of an R-C line that is a passive two-port are given in [14] as hyperbolic functions of
(Iy/s.rc), where s is the complex frequency, [ the length, and r and c are the resistance
and capacitance of a short Al sector. From these expressions, the voltage transfer
coefficient of the line from its input to its unloaded output port can be found as

Vo 1
A=—=——"+ 1.47
vi  cosh(l\/s.rc) (147)

The magnitude of A is obviously equal to unity for low frequencies along the
channel and decreases with frequency. This means that the control efficiency of the
channel decreases from the near end of the gate (connected to the gate contact), toward
the far end. Now we can calculate the frequency'' at which the magnitude of A
decreases to l/\/i

Now

cosh(lv/s.rc) = V2
corresponds to

(Iy/s.rc) = 0.882 or (Is.I’rc) = 0.78 (1.48)

The total resistance and the total capacitance of the gate electrode are R = rx/[and C
= cxl, respectively. R and C can be expressed, in terms of the sheet resistance of the
gate electrode and C,y, as

w
R = Rshf and C = Cx WL (1.49)

From the last two expressions, the complex frequency corresponding to 4 = (1/+/2)
can be calculated as
078
e Rsh Cox w2
and the corresponding frequency as

0.78 o 0.124
20X Ry Cox W2 RgyCox W?

Je= (1.50)

" This frequency will be called the maximum usable frequency. Note that it is necessary to evaluate this
frequency together with the high-frequency figure of merit, fr, of the transistor.
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Figure 1.23 Plan view of a multi-finger MOS transistor.

This expression indicates that the gate width has a strong adverse effect on the
usable maximum frequency. To overcome this problem the well-known solution is to
use a finger-structure, as shown in Fig. 1.23.

Another advantage of this structure is the decrease of the source and drain junction
areas and, consequently, the parasitic junction capacitances, as well as the source and
drain series resistances. It can be easily seen that the total drain and source areas of an
N finger transistor are equal to

N W wXx <N ) w N+ 1WX
=—,4s= |+ X—XX =———
2 N 2 2 N N 2
and that both of them approach one half of the junction areas of a 1-finger transistor for
high N values.

Example 1.4 Calculate the maximum usable frequency for a 40 um/0.35 um AMS 0.35
micron NMOS transistor. The sheet resistance of the gate-poly is given as 8 ohm/ [] and
the gate capacitance is 8.625 fF/cm?.

From (1.50)

B 0.124
8 (8.625 x 10-7) x (40x 10~4)

C

5= 1.123 GHz

If the transistor has to operate at a frequency of up to 5 GHz, a multi-finger
structure must be used. It can be easily calculated that the channel width corres-
ponding to 5 GHz must not be bigger than 27.6 micron. To maintain the DC prop-
erties (i.e. the total channel width as 40 um) the appropriate solution is to use a
4x 10 um structure with a certain safety margin, from the point of maximum usable
frequency.



36

1.2

1.2.1

Components of analog CMOS ICs

Passive on-chip components

To enable the integration of a complete analog circuit or system on a single chip, the
passive components, namely resistors, capacitors and inductors compatible with
the standard MOS transistor fabrication technologies must be available. To improve
the quality of passive components, it may become necessary to add extra steps to the
standard fabrication process, which certainly increases the complexity of the process
and, consequently, the price. Figure 1.24 shows the cross-section of a typical CMOS
chip with some of the passive components; a poly?2 resistor, a polyl—poly2 capacitor
and a metal-insulator—metal (MIM) capacitor. The on-chip inductors are usually
formed using the uppermost thick metal layers.

On-chip resistors

On-chip resistors can be realized by using thin conductive films or doped silicon
layers. One possibility for the thin films is to use the metal (usually aluminum) films
that are normally used for interconnections. The sheet resistances of metal thin films
are of the order of 50 to 100 mQ/[]. It is obvious that the metal films are only
suitable for very low-value resistors, and are rarely used in ICs. The more important
and frequently used option is the highly doped poly-silicon films that are normally
used as the gate material of MOS transistors. For small geometries, they are usually
silicided to decrease the resistance. The sheet resistance of the gate poly-silicon films

S N\ | o™

Metal4 or Thick Metal PROT1
Metal3 MIM Capacitor IMD3
Metalc IMD2
Metal2
IMDI1
Metall
POLY1-POLY?2 Capacitor
POLY2 Resistor ILDFOX
Source d=h | |Drain Dr
FOX

P-Well

N-MOS P-Substrate P-MOS

Figure 1.24 The partial cross-section of a 0.35 micron, four-metal layer CMOS chip. Some of
the passive components are shown together with the NMOS and the PMOS transistors (courtesy
of austriamicrosystems A.G.— AMS).
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Figure 1.25 Plan view of a serpentine-shaped poly-silicon resistor. Note that Nyg = 24, Neor = 4.

is usually in the range of 5 to 10 Q/[]. The plan view of a thin film resistor is shown
in Fig. 1.25. The value of such a resistor can be calculated as

R 2 Ryp(Nog + 0.6 X Neor) + 2Re.,

where Ry, is the sheet resistance of the conductive film in ohms per square, Ny is the
count of normal squares along the resistor, N, is the count of corner squares and R, is
the resistance of the end contacts.

Using the gate poly-silicon, resistor values of up to a few kilo-ohms can be realized.
For higher value of resistors, the gate poly-silicon is not convenient owing to the adverse
effects of the unavoidable distributed parasitic capacitance of the resistor and
excessive area consumption. For analog applications, IC manufacturers usually
provide an additional high resistivity poly-silicon film. The sheet resistance of this
poly-silicon layer is usually in the range of 1 to 2 kQ/[].

There are several important practical problems associated with the film resistors.
One of them is the manufacturing tolerance of the sheet resistance of the film that is in
the range of +20%. This corresponds to +20% absolute tolerance for the resistors.
But the relative tolerances of the resistors on a chip are considerably smaller. Another
problem is the temperature coefficient of the resistors that is of the order of +107*/K
for gate-poly and — 0.5x 10~ /K for high resistance poly.

Another possibility for realizing resistors on a CMOS chip is to use several doped
silicon layers, as was usually done in bipolar ICs. The n™ and p* doped regions that are
used to form the source and drain of the NMOS and PMOS transistors have sheet
resistance values in the range of 50 to 150 €/[]. The sheet resistance of a well is
higher and in the range of 1 to 2 kQ/[]. The absolute tolerances of the doped silicon
regions are usually of the order of +10% and have temperature coefficients higher
than +10 /K. Another drawback related to the doped silicon layers is the bias
dependence of the sheet resistance values.'”

The contact resistance certainly depends on the contact size and the technology.
Contact sizes are usually of the order of the minimum geometry. The series resist-
ance related to the contacts can be decreased by increasing the number (not size) of
parallel contacts. This is also useful from the reliability point of view. As an

'2 Note that the diffusion region used as a resistor must not have a silicide layer on top, which would reduce
the overall resistance to unusable levels. Many layout design tools provide the “silicide block™ feature, to
prevent the silicide layer occurring on top of the resistor areas.
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example, for a 0.35 micron technology, the typical (and maximum) resistance values
of 0.4 um x 0.4 um contacts are given as follows:

metal-poly 2 (10) Q/contact

metal-S/D (n-type) 30 (100) Q/contact

metal-S/D (p-type) 60 (150) Q/contact.

On-chip capacitors

There are two classes of on-chip capacitors: passive, fixed value capacitors and
variable capacitors (varactors). The passive capacitors are — in principle — basic par-
allel plate capacitors. Varactors are solid state structures such as reverse-biased p-n
junctions and MOS capacitors. A varactor obviously can be used as a fixed value
capacitor if it is biased with a fixed bias voltage.

Passive on-chip capacitors

Two options to form parallel plate capacitors can be seen in Fig. 1.24. These options
are the polyl—poly2 capacitor and the metal-insulator—metal (MIM) capacitor. The
polyl—poly2 capacitors have to be realized at the bottom level of the structure. The
MIM capacitors can be realized at any metal level in principle, but the practically
possible level (or levels) for a certain technology are usually declared by the
manufacturer.

The capacitance of a parallel plate capacitor is given as

A
C=  E0fox

where ¢, and ¢, are the permittivity of the vacuum and dielectric constant of the
insulating layer, respectively, A is the area of the parallel plates and ¢ is the distance
between the conducting plates that is filled with the insulating material, usually silicon
dioxide. Inserting the numerical values of &, and ¢y, and expressing the area in square
microns and ¢ in nanometers, the capacitance can be found to be

_ 4345 (151)

¢[nm]

Owing to the fringe-field effect at the periphery of the capacitor, the accuracy of this
expression decreases for smaller dimensions.

In poly and MIM capacitors the electric field between the electrodes is perpendicular
to the surface. To increase the surface usage efficiency, structures using the lateral
electric field are developed. The simplest example for a lateral field (or interdigitated)
capacitor is shown in Fig. 1.26. The capacitance of this structure is proportional to the
thickness of the metal layer (#\;) and the length of the serpentine-shaped insulating
region (dielectric) between the two metal electrodes, and inversely proportional to the
width of the insulator (#,s). It is obvious that the most suitable metal layer is the thick
metal layer. Several structures using both the lateral and perpendicular fields can be
developed to increase the surface usage efficiency further [15], [16].
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Figure 1.26 The plan view and cross-section of an interdigitated capacitor.

RJ/2
par2 G

parl

:s
L]

Figure 1.27 The dominant parasitics of an on-chip capacitor.

The parasitics of passive on-chip capacitors

The dominant parasitics of an on-chip capacitor are shown in Fig. 1.27, where C is the
intended capacitance, Cp,1 and Cp,,o are the parasitic capacitances between the plates
of the capacitor and ground, and R; is the equivalent series resistance representing the
total losses. For vertical field capacitors, for example the polyl—poly2 capacitor,
the parasitic capacitance of the bottom plate is considerably bigger than the parasitic of
the upper plate, and in some cases not negligibly small compared to C. In horizontal
field capacitors, for example the capacitor shown in Fig. 1.26, the parasitic capaci-
tances associated with the two electrodes are approximately equal, which is an
advantage in certain cases.

The equivalent parasitic series resistance contains the resistances of the contacts and
the plates. The latter is a distributed resistor in two dimensions; frequency dependent
and complicated to calculate. The overall effect of this resistance is usually repre-
sented by the quality factor (Q) of the capacitor.'” The quality factors of passive on-
chip capacitors are usually in the range of 30 to 100 at 1 GHz. It must be noted that at

13 The quality factor of a capacitor at a certain frequency w can be defined as Q = I/R,Caw, if the capacitor
is in resonance at @ with an ideal (lossless) inductance (see Chapter 4).
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Figure 1.28 The cross-section and the typical control voltage versus capacitance curve of a p-n
junction varactor.

higher frequencies, certainly depending on the geometry of the structure, the self-
inductances of the plates and associated connections start to become effective and the
capacitor can resonate with its parasitic inductance.

Varactors

The varactor is a voltage-tunable capacitor which is mostly used in high-frequency
applications, to tune the frequency characteristics of circuits. One of the important
classes of varactors is a reverse-biased p-n junction.'* It is known from basic
semiconductor device physics that the depth (and consequently the electric charge)
of the depleted regions of a p-n junction varies with the applied voltage. This means
that the amount of charge in the depletion regions can be controlled with the voltage,
which, by definition, corresponds to an electrostatic capacitance. The value of this
capacitance can be expressed as already mentioned in Section 1.1.3.

G =co1-,) (152)
23]

where Cj(0) is the value of the capacitance for zero bias, g is the built-in junction
potential and m is the grading coefficient of the junction, whose value varies between
1/3 and 1/2, depending on the doping profiles. Cj(0) depends on the junction area and
the doping concentrations of the p-n junction. The junction barrier height, ¢g, is in the
range 0.65 to 0.75V and is given as (PB) in parameter lists, as already mentioned.
There are several options to form a p-n varactor in a CMOS IC. The cross-section of
one of them and the typical voltage—capacitance curve are shown in Fig. 1.28. The
tuning range'” depends on the range of the control voltage; its minimum value is zero
and the maximum value is limited by the breakdown voltage of the junction and the
available DC voltage value on the chip.

4 The p-n junction type of variable capacitors are extensively used not only as an integral part of bipolar
and MOS ICs, but also as discrete components as the tuning elements of radio and TV receivers and
telecommunication systems.

!5 The tuning range is defined as ) = (Cpax — Cinin)(Cinax + Crnin)-
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Figure 1.29 (a) The oxide and depletion capacitance components of a MOS capacitor. (b) Typical
C-V curve of a PMOS transistor.

It is known from MOS theory that the gate-bulk capacitance of a MOS structure
exhibits a typical variation. In Fig. 1.29 the variation of the capacitance of a PMOS
transistor as a function of the DC voltage applied between the gate electrode and the
bulk is shown. In one extreme case, where the gate voltage is sufficiently more
negative than the threshold voltage V1 (which is negative for a PMOS transistor),
there is a strong inversion layer that forms the lower “plate” of the MOS capacitor.
The capacitance is equal to C; = WLC,,. In the other extreme, if the gate voltage is
sufficiently more positive than the threshold voltage, the attracted majority carriers
(electrons in this case) of the n-type bulk form a conductive n-type accumulation
layer. The capacitance corresponding to this case is again equal to C;. In between
these two extreme cases, for a narrow interval of the gate voltage, the semiconductor
surface just below the gate oxide is — practically — depleted from electrons and
holes. The thickness of this depletion layer and consequently the fixed ion charge is
subject to the control of the gate voltage, which corresponds to a capacitance Cy =
dQ4/dVg. For this interval the total gate-bulk capacitance is the series equivalent of
Ci and Cq4 : C = C;Cy/(C;+ Cy). To change the capacitance characteristic given in
Fig. 1.29 to a more useful form that permits one to control the capacitance mono-
tonically in one direction, some modifications are possible.

One of the solutions compatible with the standard CMOS technologies is shown in
Fig. 1.30(a). In this structure the n-well (the bulk of the transistor) is connected to the
highest positive potential in the circuit. Consequently, it is not possible to drive the device
into the accumulation region. The source and drain regions are connected to each other. If
the gate voltage is more negative than the threshold voltage, the device is in inversion
mode and the capacitance is equal to C;. This is the maximum value of the capacitance.
For gate voltages sufficiently higher than the threshold voltage, inversion is not possible
and the device is in depletion mode. The corresponding capacitance is at its minimum
value and is equal to C = C;C4/(C;+ Cy).
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Figure 1.30 Cross-section and the C-V curve of (a) an inversion type MOS varactor and (b) an
accumulation type MOS varactor.

The second solution is shown in Fig. 1.30(b). The bulk (well) again is n-type. For gate
voltages higher than the threshold voltage an electron-rich accumulation layer is formed
and connects the two high concentration n-type regions. Since this high conductivity
layer is just below the oxide layer, the capacitance is equal to the oxide capacitance,
C; = WLC,x. When the gate voltage decreases toward negative values, the accu-
mulated electrons and then the majority electrons of the n-type bulk are repelled to
form a depletion layer. For sufficiently low gate voltages the capacitance is equal to
C = C;Cy/(C;+ Cy), and varies monotonically between these two extreme values.

For a certain technology (for a certain gate oxide thickness and doping concentration
of the n-well) the minimum and maximum values of the capacitance are the same for the
inversion-type and accumulation-type MOS varactor. Since the surface consumption
is smaller, usually the accumulation type is preferred. The tuning ranges and the
quality factors of the MOS varactors are usually in the range of 40 to 60% and 50 to 80
at 1 GHz, respectively.

An important problem associated with the varactors is the nonlinearity of the
C-V curve. For small signals superimposed on to the bias voltage, the capacitance
of the device has the value corresponding to this bias. It has been shown that for
large signal amplitudes — in addition to a nonlinear distortion — the effective
capacitance of the device decreases [17].
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Figure 1.31 Biasing of varactors: (a) a one-end grounded varactor, (b) a p-n junction type
symmetrical varactor pair, (c) an inversion-type MOS symmetrical varactor pair, (d) an
accumulation-type MOS symmetrical varactor pair.

In Fig. 1.31 several examples are given related to the biasing of varactors. Figure
1.31(a) shows the biasing of a p-n junction varactor that forms a variable capacitor one
of whose ends is grounded. The coupling capacitor C, must be as high as possible to
profit from the full tuning range of the varactor. The bias resistor R must be high
enough not to affect the Q of the varactor.

In many applications varactors are used as floating tuning elements. In the examples
shown in Fig. 1.31(b), (c), and (d) [18], the nodes X and X have the same DC voltage.
For proper operation of the varactors in Fig. 1.31(b), the control voltage V., must
remain positive with respect to Vx. The control voltage in Fig. 1.31(c) must be positive
with respect to Vx. In Fig. 1.31(d), Vion can be changed from negative to positive
voltage with respect to V.

On-chip inductors

Throughout the history of electronic and telecommunication systems, inductors have
always been among the most bulky and expensive passive components of the circuits.
In the case of integrated circuits the situation was even worse; it was completely
impossible to integrate larger-valued inductors as on-chip components. The goal of
most of the active filters developed during the last five decades was to eliminate the
inductors and to replace them with capacitors and active circuit combinations. Thanks
to operational amplifiers and OTAs that are the outcome of the developments of
microelectronics technology, active filters have effectively eliminated the inductors
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Form K; K,

Square  2.34 2.75
Hexagon 2.33 3.82
] Ll | Octagon 225 355
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Figure 1.32 Typical forms of on-chip spiral inductors: (a) square, (b) hexagonal, and (c)
octagonal. Inset: K; and K, parameters for these forms.

from many application areas. Eventually the maximum operation frequencies of sys-
tems increased up to the “gigahertz” region, where it was not possible to apply the
conventional active filter techniques. But in parallel to the increase of the frequency,
the necessary inductance values decreased down to the range of “nano-henries”, which
is small enough to be integrated on chip.

On-chip inductors are usually shaped by etching the uppermost thick metal layer, which
is usually aluminum in standard technologies and has a thickness of around one micron.
Copper is an alternative with a higher conductivity, and is provided by some foundries.

The on-chip inductors are mostly realized in the forms shown in Fig. 1.32. The
value of such an inductor depends on the dimensions and number of turns of the
spiral. Since the length of the conductor corresponding to a certain loop area is
minimum for a circle, the quality factor of a polygon inductor is higher than that of a
square inductor. There are several simple formulas in the literature to calculate the
inductance of a planar spiral inductor. One of them, named the “modified Wheeler
formula” that provides reasonable accuracy for simple first step calculations, is given
in [19]:

n*d,
L=Kuy—= 1.53
149 1+ Kap ( )
where K; and K, are form-dependent coefficients that are given in Fig. 1.32, u, is the
magnetic permeability of the material, which is equal to zg = 1.257 x 10~® [henry/cm]
for silicon, and is equal to the permeability of vacuum, and » is the number of turns of

the spiral. The average diameter, d,,,, and the fill factor, p, are defined as follows:

dout + din (dout - di )
Apyg = ———— =—— 1.54
"t "™ (o + din) (134
where d,, and d;, are the outer and inner diameter of the inductor, respectively.
The practically realizable range of the on-chip inductors is L = 0.5-10 nH, and the

corresponding quality factors range between Q0 = 3-15.'°

'6 The quality factor of an inductor at a certain frequency @ can be defined as Q = La/R,, if all losses are
represented by a series resistor Ry and the inductor is in resonance at » with an ideal (lossless) capacitor
(see Chapter 4).
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Example 1.5 Calculate the self-inductance of the spiral inductor shown in Fig. 1.33,
and the quality factor at 10 GHz assuming that the only loss is related to the DC
resistance of the aluminum strip.

The outer diameter of the coil is 100 um. The inner diameter can be calculated as
din =100 — (4% 10+ 2x5) =50 um. Then the average diameter and the fill factor are:

dave = 0.5(100 4-50) =75 um, p = (100 — 50)/(100 + 50) = 1/3.

Using the values given in Fig. 1.32:

(2%)x (75x107%)
1+ (2.75%0.333)

L=234x(1.275x107%) =460x107"? = 0.46[nH].

The average length of the aluminum strip is [ = 620 pm (620x10~* cm) and the
cross-section A = (10X 1074) X (1x 1074) = 10" cm?. The specific resistance of
aluminum is 2.73 x 10~® ohm.cm. Now the resistance of the coil can be calculated as

620x 1074
Ry = (2.73% 10*6)T = 1.69 ohm.

With the assumption that the series resistance represents the only loss of the inductor,
the quality factor at f = 10 GHz is

Lo (0.46x1077)(2nx10'0)

O0=—=

17.1.
R 1.69

There are several computer programs developed to calculate the inductance and
quality factor of on-chip inductances with high precision [20], [21]. One of them,
SPIRAL, calculates the value of the inductance shown in Fig. 1.33 and the quality
factor of the inductor at 10 GHz as 0.42nH and 5.2, respectively. The difference
between the two values of the inductance can be considered acceptable. But there is a

w—st |4
D =100 pm

d <1 w=10 pm

d =5pm

t = lpm (Al thickness)

—L

Figure 1.33 Plan view of a typical square inductor.
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Figure 1.34 The equivalent circuit of an on-chip inductor connected between the nodes A and A’.
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Figure 1.35 (a) A center-tapped (symmetrical) inductor. Note that Ly,g = 2L (1+k), where k is
smaller than unity and depends on the geometry.'” (b) Layout of the center-tapped inductor.
(c) The equivalent circuit of the center-tapped, symmetrical inductor (k is the magnetic coupling
coefficient of the two halves of the inductor).

7 It is known that the equivalent inductance of two serially connected inductors (L; and L,) can be
expressed as Leq= L;+ L, F2k \/L; L, where k is the magnetic coupling coefficient and is always
smaller than unity, and the sign is positive if the fields of the individual inductors support each other.
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Figure 1.36 (a) Cross-section of a spiral on-chip inductor. (b) Spiral inductor with ground shield.
(c) Plan view of a patterned ground shield.

very large difference between the calculated and simulated Q values. This means that
there are other loss mechanisms in addition to the DC resistance of the aluminum
strip. One of them is the skin effect that increases the resistance at high frequencies.
Other mechanisms can be explained by the equivalent circuit shown in Fig. 1.34.

In Fig. 1.34 R, represents the resistance of the metal strip that increases with
frequency owing to the skin effect, as previously mentioned. C is the parasitic cap-
acitance between the terminals of the inductor. The metal strip forming the inductor is
separated from the silicon substrate by a thick silicon dioxide layer. Consequently,
there is a capacitance between the metal strip and the substrate. This distributed
capacitance is represented by two equal parasitic capacitances (C)) lumped at the
terminals of the inductor. Ry, is the series resistance of C; and depends on the doping
concentrations of the regions below the structure. Capacitors parallel to Ry, are
included into the equivalent circuit to achieve a good fit to the measured data [22].
Rubm) represents the loss owing to the magnetically induced current in the substrate.
Another effect of this “image current” that is magnetically coupled to the inductor is
to reduce the value of the effective inductance.

In several applications, for example differential LNAs, differential oscillators,
etc., center-tapped symmetrical inductors are needed, as shown in Fig. 1.35(a). To
ensure the symmetry of the parasitics of the two half-sections, a careful layout design
has prime importance. A square shaped symmetrical inductance layout is shown in
Fig. 1.35(b). For hexagonal and octagonal inductors, symmetrical layouts can be
generated similarly.

The losses owing to Ry, can be reduced (a) by decreasing the current flowing through
C), and (b) by decreasing the value of the resistance itself. Decreasing the capacitor
current requires a thick oxide layer between the thick metal layer and the silicon surface
that depends on the number of metal layers and the thickness of the inter-layer oxides
(Fig. 1.36(a)). To decrease the resistance on the current path, a grounded, high con-
ductivity metal or poly-silicon shield (ground shield) can be placed between the inductor
and the substrate (Fig. 1.36(b)). This modification effectively reduces the losses associ-
ated with the capacitive substrate current. But owing to the image current induced on this
layer (that is equivalent to the current of a short-circuited secondary, magnetically
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coupled to the inductor) the effective inductance decreases strongly. To overcome this
adverse effect a simple but efficient solution is to pattern the ground shield in such a way
to prevent the image currents on the shield (Fig. 1.36(c)) [23]. But it must be kept in mind
that this shield does not prevent the induced currents in the silicon substrate and cannot
reduce the losses represented by Rgypm)-

The parasitic capacitances shown in Fig. 1.34 determine the “self resonance
frequency” of the inductor (see Chapter 4). Note that for frequencies higher than this
frequency, the “inductor” exhibits a “capacitive” impedance.

To increase the quality factor of an on-chip inductor one solution is to etch away the
silicon dioxide layer under the spiral and thus to reduce the parasitic capacitive cur-
rent. But this “suspended inductor” approach is not compatible with standard pro-
cesses. The bonding wires also can be used to realize low-value inductors, with
considerably high Q values.'® However, owing to high tolerances and bad repeat-
ability, they cannot be considered as standard components of ICs.

'8 The self-inductance of a 25 micron diameter bonding wire is approximately 1nH/mm. The Q value of a
bonding wire is about 60 at 2 GHz.
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Basic MOS amplifiers: DC and
low-frequency behavior

Basic MOS amplifiers are the main building blocks of a vast array of analog signal
processing systems as well as other analog electronic circuits. The overall performance
of a complex circuit strongly depends on the performances of its basic building blocks.
In this chapter the main properties of these basic circuits will be investigated.

Common source (grounded source) amplifier

The basic structure of a common source amplifier is shown in Fig. 2.1(a). The gate of
the NMOS transistor, M, is biased with a DC voltage source Vgg, to conduct the
appropriate DC (quiescent) current. A signal source (v;) is connected in series with the
bias voltage to control the drain current. The load resistor R, helps to convert the drain
current variations into output voltage variations (output signal). Since the output of a
MOS amplifier is usually connected to the gate of another MOS amplifier, the DC and
low-frequency load coming from the subsequent stage is negligible' and the only load
is Rp. In Fig. 2.1(b), this “DC load line” with a slope equal to (—1/Rp) is drawn on
the output curves of M. For a given value of the gate bias voltage (for example Vgs1),
the drain current is Ip;, which corresponds to the intersection of the load line and the
output curve corresponding to Vgs;. This intersection point is called as the “operating
point” or the “quiescent point” and denoted by Q.

e From its high value of Vpp down to the lower limit of the saturation region (Vpssar),
the output voltage is proportional to the drain current, which has a quadratic relation
to the input voltage. This means that there is a severe nonlinear distortion on the
output voltage.”

e To obtain the maximum output voltage swing without excessive distortion or
clipping, the quiescent drain—source voltage must be situated in the middle of the
“dynamic range” of the output signal, as shown in Fig. 2.1.

e It is obvious that for a given input signal amplitude, higher Rp values result in
higher output signal amplitudes, or in other words, higher voltage gains.

! The effects of the input capacitance and the input conductance that appears owing to the Miller effect at
high frequencies will be investigated later on.

2 In a velocity saturated transistor the drain current is almost linearly related to the gate voltage and
consequently the nonlinear distortion is smaller.
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Figure 2.1 (a) The basic resistor loaded MOS amplifier. (b) The output characteristic curves, the
DC load line and the operating point (Q). The drain current dynamic range is marked with D. The
NMOS transistor (AMS 0.35) has a W/L ratio of (35 um/0.35 um). R = 2 k ohm and Vgs=0.9 V.

e When the instantaneous value of the input voltage increases in the positive
direction, the total gate—source voltage increases, resulting in an increase on the
drain current and an increase on the voltage drop on Rp. This means that the output
voltage decreases, or changes in the opposite direction to the input voltage, i.e. for a
sinusoidal input signal the output signal is 180° out-of-phase with the input.

Resistors are not preferred components for CMOS integrated circuits, since they
consume a large amount of area on the chip and are not directly compatible with
standard CMOS processes. To eliminate the resistor, a MOS transistor can be used
instead. There are several alternatives to this solution, but the most convenient
approach is to use a PMOS transistor biased with an appropriate gate—source voltage
(Vgsp), as the load of the NMOS input transistor (Fig. 2.2(a)). In this circuit the PMOS
transistor acts as a nonlinear resistor controlled by its gate—source DC bias voltage
(Fig. 2.2(b)). From another point of view, this load can be considered as a DC current
source, provided that M2 is in the saturation region, i.e. |Vpgol > [(Vgso—Vro)l. The
current of this source is equal to the quiescent drain current of M1, and its internal
resistance is the output resistance of M2, for a given gate bias (Fig. 2.2(c)). Since M2
has no signal control mission and acts only as a passive load, this type of amplifiers
will be called “passive MOS loaded amplifiers”.



2.1 Common source (grounded source) amplifier 51

¢ +Vpp
Iy, (mA)
Voo .__": M2 (load) lm
| N 0
+
I:Ml N | /"’
v +
GSI '|'
L 09 _1 2
—VDS2
(a) (b)
Ip; (mA)
2
[T 11 /
+VDD M2 | ! | —-_-_____,..--
o @ ] Q
._" Ml 2

Vos(V)

[P — dynamic range of —_—
the output voltage

VDS(sat)
(c) (d)

Figure 2.2 (a) Passive PMOS transistor-loaded common-source NMOS amplifier. (b) The
nonlinear load line (the output characteristic curve of the load transistor for the specified
Vgs2 value). (c) The input transistor (M1) and the equivalent of the load transistor (M2).
(d) The output characteristic curves of M1 together with its load. The drain current
dynamic range is marked with D. M1 and M2 are AMS 0.35 transistors with aspect ratios of
35 um/0.35 um and 60 um/0.6 um, respectively. Gate biases are Vgs; =0.9V and

V(;52 - 13 \'% (VGZ - 17 V)

Apart from the elimination of the resistor, this circuit has several advantages
compared to the resistor-loaded circuit. In Fig. 2.2(d), the nonlinear load curve is
drawn on to the output curves of M1 in such a way that Vpg;+1Vpsol = Vpp. Since the
drain currents of M1 and M2 have equal magnitudes, the operating point corresponds
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Figure 2.3 PSpice simulation results showing the input voltage to output voltage transfer curves
of (a) the resistor-loaded amplifier shown in Fig. 2.1 and (b) the passive PMOS loaded amplifier
shown in Fig. 2.2.

to the intersection of the characteristic curve of the load transistor (M2) and the
curve of the input transistor corresponding to its bias voltage, Vgs;. To provide a
symmetrical variation for the output voltage around the quiescent value, this point
must be situated in the middle of the dynamic range, which is the region where
both M1 and M2 are in saturation mode. This operating range has a width equal to
VDD - (VD51sat+ VDS2sat)-

The amount of change (i.e., the dynamic range) in the drain current corresponding to
the dynamic range of the output voltage is quite small. This means that the full swing
of the output voltage can be obtained with a comparatively small swing of the input
signal voltage. Consequently, (a) this circuit produces a higher voltage gain, and (b)
since this circuit operates in a small portion of the nonlinear Ip —Vgs curve, the
linearity is better, in other words, the nonlinear distortion is smaller.

In Fig. 2.3 the voltage transfer curves of (a) a resistor-loaded and (b) a PMOS
transistor-loaded common-source amplifier, operating under identical conditions, are
given. The comparison of these curves shows that the small-signal voltage gain (that
corresponds to the slope of the curve at the operating point) of the transistor-loaded
amplifier is obviously higher than the gain of a resistor-loaded amplifier.

The passive transistor-loaded amplifiers have a serious problem: the appropriate
biasing of the load transistor to maintain the operating point in the middle of dynamic
range is very critical. As can be easily seen from Fig. 2.2(d), a small change of the
load curve (that can arise from the value of the bias voltage of M2 or can be owing to
the tolerances of M2 and/or M1) can shift the operating point, and the output
voltage usable dynamic range can decrease considerably. To overcome this problem,
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Figure 2.4 (a) NMOS input common-source amplifier. (b) PMOS input common-source amplifier.
A indicates the output node of the previous stage, and B indicates the DC source to bias the load
transistor.

the passive MOS loaded amplifiers are always used in circuits having an overall
negative feedback to stabilize the operating points.’

Biasing

The DC gate bias voltage of a common-source amplifier is usually supplied by the
output of the previous stage, together with the input signal. This means that
the previous stage must be designed in such a way that the quiescent DC voltage on
the output node has the appropriate value to bias the common-source stage at the pre-
defined operating point. The type of the transistor of the common-source stage must
be chosen depending on the level of the DC voltage on the output of the previous
stage. Usually, an NMOS transistor is preferable for DC voltages close to ground
(0V), and a PMOS transistor is preferable for DC voltages close to the positive
supply (Fig. 2.4).

For common-source input stages, the gate has to be independently biased with a DC
voltage source. If capacitive coupling of the signal to the gate of the input transistor
is permissible, the gate can be connected to the bias voltage source through a
high-value resistor or an RF “choking coil” (in radio frequency applications), as shown
in Fig. 2.5(a) and Fig. 2.5(b).

The bias voltage can be obtained from the main DC voltage source (for example
Vpp) with a resistive or MOS voltage divider. If the input signal source has to be
directly coupled to the gate of the transistor (the quiescent DC voltage on the input
node is zero), the source must be connected to an appropriate negative voltage source,
to maintain the appropriate gate—source DC bias (Fig. 2.5(c)).

3 For example, the second single-ended gain stages of CMOS operational amplifiers are usually passive
loaded MOS amplifiers.
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Figure 2.5 Biasing of the input transistor. (a) and (b) AC coupling, (c) DC coupling of the signal
to the input of the amplifier.

For passive MOS transistor-loaded amplifiers, the fixed DC bias voltage of the load
transistor can be obtained from Vpp using a suitable voltage divider.

The small-signal equivalent circuit

For an amplifier biased at an appropriate operating point, the characteristic curve
representing the voltage—current relation of the device can be approximated by the
tangent of this curve, as long as the magnitude of the signal applied to the input is
small enough compared to the bias voltage at this point. This corresponds to the
“linearization” of the device characteristics that permits us to use the simple and well-
known network analysis procedures, instead of the complicated nonlinear solution
methods that are practically impossible for hand calculations.

For a non-velocity saturated NMOS transistor biased in the normal saturation region,
the drain current can be expressed in terms of the gate—source and drain—source voltages as

1+ AVps >
1+ A(VGS — VT)

I = 3#(Ves = 722

(2.1)
where f = KP(W/L) and KP =uC,,. It was mentioned in Chapter 1 that, especially for
small geometries (for very thin gate oxides), the mobility strongly decreases with the
transversal electric field in the gate region. Therefore, in (2.1) the mobility value cor-
responding to the quiescent gate—source voltage must be used. In addition, if there is a
substrate bias, the threshold voltage corresponding to this condition must be used. With
these precautions, the quiescent drain current can be calculated in terms of Vpg and Vgs.
If we expand (2.1) into a Taylor series around the operating point and assume that
variations of voltages and current are sufficiently small compared to the quiescent

values, we can neglect all higher order terms and express the drain current as
Olp 0lp

X AVgs +

X AVDS
AVGs | Ays=o Vs | Aygs—o

Ip+Alp = Ip+
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or

_ Ol

I
X AVgs + Ol

Alp
AVps=0 OVps

X AVps (2.2)

AVgs=0

Equation (2.2) indicates that the change of the drain current is (approximately) a linear
function of the variations of the gate and drain voltages. The coefficients of this linear
expression are

olp

= and Ol
8m = Was 8o

=_2 (2.3)
AVps=0 Vbs

AVgs=0

and can be calculated as the partial first derivatives of (2.1) at the operating point. They
are the previously defined “transconductance” and “output conductance” parameters of
the transistor” for this operating point. Now (2.2) can be written as

Al = gnAVgs + goAVps (2.4)

Each of these two small-signal parameters of the MOS transistor for any (Vgs,
Vbs, Ip) operating point can be calculated from (2.1) and (2.3). For the transcon-
ductance parameter, we use (see Chapter 1)

24+ MVes — Vi)
2(1+ iVos — V1))

gm = P(Vas — V1)(1 + AVps) (2.5a)

This expression can be simplified for small A values to
m = ﬂ(VGS — VT) (25b)

Although it is an approximate formula especially for short channel transistors (where
the A parameter is not negligibly small), (2.5b) is very convenient for hand calcula-
tions. Another simple and useful expression that gives the transconductance in terms of
the drain DC current is

gm = /2BIp (2.5¢)

The corresponding expressions for PMOS transistors are

1 of 1+ AVbs|
T, = —B(Vee — V- — - A el
‘ D| zﬂ( GS T) <1 +}~|VGS _ VT|

&m gﬂ'(VGS - VT)'

&m = V 2'ﬁ|1D|

4 Throughout this book, the output conductance and the output resistance of a transistor will be represented
interchangeably by g, or gq4s and r, or rgs, respectively.
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In the case of velocity saturation (see Chapter 1), the drain current can be written as

|ID| = kWCOX(VGS - VT)Vsat - Gm(VGS - VT) (26)
and the transconductance is found to be:
df
gm = deS = kWCoxVsat (27)

which is valid for both NMOS and PMOS transistors. Equation (2.7) indicates that for
a short channel MOS transistor operating in the velocity saturation regime, the
transconductance parameter does not depend on the operating point and is proportional
to the gate width.

The output conductance parameter of an NMOS transistor calculated from (2.1)
and (2.3) is

A
=h—7F+— 2.8a
8o D (1 + Vps) ( )
and can be simplified for small A values to
g =2 Ip/ (2.8b)

For PMOS transistors, owing to the negative polarity of the source—drain voltage
and the drain current, the output conductance parameter must be expressed as

)
o = lIp| —————
& = Mol 7 7s )

From (2.4) we can also derive a different set of definitions for g,, and g, that is
useful for obtaining the values of these parameters by direct measurements, or from the
characteristic curves of the transistor:

Al D Al D
and 2

Zm (2.9)

AVGs | Apps—o AVbs| Apge—o

The transconductance is the most important parameter of the transistor and
expresses the controllability of the gate—source voltage on the drain current. The
definition of g,,, given in (2.3) indicates that its value is equal to the slope of the tangent
at the operating point of the Ip =f(Vgs) curve (drawn at the quiescent value of Vpg).
Similarly, g, is the slope of the tangent at the operating point of the Ip =f(Vpg) output
characteristic curve, corresponding to the Vg quiescent value.

In (2.4) the A variations of the voltages and the current can be replaced by the
instantaneous values of the small-signal components on the quiescent DC values and
the expression can be written as

l4 = gmVgs + dsVas (2.10)

which can be represented by a circuit as shown in Fig. 2.6. This “small-signal
equivalent circuit” is very useful for solving the relations of signal currents and
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Figure 2.6 The small-signal equivalent circuit of a MOS transistor biased at a certain operating
point in the saturation region.

voltages in a circuit containing MOS transistors. For high frequencies, it is necessary
to include into this equivalent circuit other physical and parasitic components, as will
be investigated in depth in the following chapters.

The basic rules of deriving the small-signal equivalent of a circuit can be sum-
marized as follows.

e Calculate (determine) the DC quiescent voltages and currents of each transistor.

Calculate the small-signal parameters (g, and g4s) corresponding to this operating

point.

Replace the transistors in the circuit with their small-signal equivalents.

Include all passive components of the circuit.

Short-circuit all ideal DC voltage sources (supply voltages, bias voltages, etc.).

Open-circuit all ideal DC current sources.

If the DC voltage and/or current sources are not ideal (i.e. if they have serial or

parallel internal impedances), include them in the small-signal equivalent circuit.

e Connect the signal source(s), and solve the circuit using conventional linear circuit
analysis methods.

e To obtain reasonable results from hand calculations, apply sufficiently small

magnitudes to the driving signal sources such that all output signals remain in the
dynamic ranges corresponding to these outputs.”

In Fig. 2.7(a) and (b) the small-signal equivalent circuits corresponding to the
amplifiers shown in Fig. 2.1 and Fig. 2.2 are given. From Fig. 2.7(a), the output voltage
(vo) can be easily calculated in terms of the input signal voltage (v;) and then the small-
signal voltage gain of the circuit is

Vo r4sRp

Ay = — = _gm(rds//RD) = —&

n—— (2.11a)
Vi rgs + Rp

5 Computer aided (for example SPICE) analyses have the same problem. Once the software forms the
small-signal equivalent circuit, it assumes that the circuit is linear for all amplitudes of the input signal(s).
It is the user’s responsibility to apply reasonable input signals in order to keep the magnitudes of the
output signals within the dynamic ranges. In case of doubt, it is advisable to run a “transient” simulation to
be sure that there is no excessive nonlinear distortion or clipping on the output signals.
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Figure 2.7 The small-signal equivalent circuits of (a) a resistor-loaded common-source amplifier,
(b) a passive MOS transistor-loaded common-source amplifier.

which reduces to
Ay = —gmRp (2.11b)

for r4s>> Rp.

The small-signal voltage gain of a passive-loaded common-source amplifier can be
calculated from Fig. 2.7(b). Since there is no signal on the gate of the load transistor, it
acts only as a resistor having a value equal to its output resistance at its operating point:

Vo

gml
A, =—=— = 2.12
Vi gml(rol//r(ﬁ) (g01 +g02) ( a—)

If we insert the values of g1, go1 and g, in terms of the DC drain current, we obtain

—/2B,In; o \/%7:(; (2.12b)

AV = 1
Ini21 + |Ip2| 22 A+ A2)

IR

This expression indicates that:

o the voltage gain of a common-source amplifier is higher for lower DC quiescent
currents (in other words for lower power consumption);

e the voltage gain can be increased with load and/or input transistors having smaller 4
parameters (larger channel lengths), certainly keeping the aspect ratios constant.

However, it must be kept in mind that the performance of the amplifier deteriorates
at high frequencies owing to the increased output internal resistance and increased
parasitic drain junction capacitances, as will be explained in Chapter 3.

Example 2.1 An amplifier as shown in Fig. 2.2(a) is designed for AMS 0.35pn
technology. The supply voltage is 3.2 V. Channel widths and lengths for both of the
transistors are 35 um and 0.35 um, respectively.

(a) Calculate the gate bias voltages for M1 and M2, to fix the operating point in the
middle of the operating range, i.e. 1.6V, for I mA quiescent current.
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Since the lambda parameters of the transistors (especially of M2) are considerably
high and the supply voltage is low, it is appropriate to use (1.14a) to calculate the drain
current, which is

1 + 42| Vps2 |
1+ A |(Vas2 — Vip)|

1
[Ipa| = Eﬁz(VGsz — V)

for M2.

The parameters of M2 for AMS 0.35u technology are given as upo = 137 [em?/V.s],
Cox =4.56x 107" [Flem®], Vpp=— 0.7 [V], and /5 = 0.2 [V~ ']. (W/L), is given as 100
and Vp, must be in the middle of the output voltage dynamic range, i.e. 1.6 V. f, can
be calculated as

By = 1,Cox(W /L), = 137 x (456 X 1077) x 100 = 6.25 X 107 [A/V?]

Inserting |(VG52 - VTp)l = VGoZ and (1 + /12 |VD52|) = (1 +0.2x 16) =1.32 =a, to
simplify the expressions, Vg, can be solved as

1
Voo = =1 (2alln] ¥ 1/ (27
Go2 2ﬂ2a< 2| F 4/ (244
1

Voor =
992 7 2(6.25 x 103)1.32

Ino|)* + 8102ﬁza>

X(Z x02x 1073 F \/(2 X 0.2 % 1073)* +8 x 1073(6.25 x 103) x 1.32)
=0.516 V
Since M2 is a PMOS transistor, Vgs, and Vy,, are negative,
Vaosa = —Vaor + Vrp = —0.516 + (—0.7) = —1.216 V.

Similarly for the NMOS M1 transistor with g0 =475.8 [cm?/V.s], Vi =0.5 [V],
J1 ~ 0.073 [V"'. and (W/L), = 100, the gate—source bias voltage of M1 can be
calculated as Vg1 =0.79 V.

(b) Calculate the voltage gain. From (2.12a)

1 1
103 (0.073 + 0.2)

Ay = —\/2 x [475.8 x (4.56 x 10-7) x 100]

= —24.13(27.6dB)

(c) Check the results with PSpice simulations.

It is common practice to use the calculated bias voltage values as inputs to SPICE.
But owing to the approximations in the expressions, the hand-calculated bias voltage
values do not provide the targeted drain currents in most cases and a fine-tuning
becomes necessary. It is useful to develop a tuning strategy to prevent tedious iter-
ations to converge on the appropriate operating conditions. The DC sweep feature of
SPICE is a useful possibility. For this example we will apply the following procedure.

e Fix the drain voltage of the load transistor to the targeted value (connect a 1.6 V DC
supply between the drain node of M2 and the ground).
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e DC sweep the gate bias voltage in a reasonable interval. Note the value of the gate
voltage (Vg,) corresponding to the targeted drain current (—1 mA in this case).

e Disconnect the 1.6 V supply.

e Apply Vi, to the gate of M2.

e DC sweep the gate bias voltage of M1 (Vgs1) and observe the drain node voltage of
MI as a function of Vgg;. This is the voltage transfer curve of the amplifier and the
Vgs1 value corresponding to Vpg; = 1.6V is the appropriate bias voltage.

The obtained PSpice results are:

VGSI = 0.9658 \/7 ng =1.775 V(VGS2 = —1.425 V) and AV = —18.57 (2537 dB)

The discrepancies between the hand calculation and simulation results arise from
several secondary effects that are not included in the expressions. For example, the
mobility degradation owing to the transversal field and the series source resistance
are the most important effects that result in the lowering of the f parameter of the
transistor. Certainly it is possible to take this effect into account as explained in
Chapter 1, but since a fine-tuning is unavoidable, it is wiser not to complicate the
calculations further.

Another important fact to note is that the gate—source voltages of M1 and M2 are
given with high precision, since the positions of the operating point and the quiescent
current strongly depend on the bias voltages. Therefore, as already mentioned, this
type of circuit must be used in an appropriate negative feedback loop, to keep the
operating point in the middle of the voltage transfer curve.

(d) Repeat the simulation for Ip =1mA and L, =1 pm, W, =100 pm.

The PSpice simulation results obtained after a fine-tuning of the operating point
(which is necessary to bring the operating point to the middle of the voltage transfer
curve) are as follows:

VGSI = 0.987\/7 VG2 =1775V (VGS2 = —1.425 V) and Av =-33.2 (30.42 dB)

The voltage gain is considerably (more than 5dB) increased as expected, at the
expense of higher area consumption and higher parasitic capacitance on the output
node. Certainly it is possible to increase the dimensions of M1 as well, but the lambda
parameters of 0.35um NMOS transistors are already small and to increase the gate
length does not provide significant increase of the voltage gain. (The increase in the
Cy and Cy, parameters is another drawback affecting the high-frequency performance
of the circuit, as will be explained in Chapter 3.)

A simple but important modification of a common-source amplifier is shown in
Fig. 2.8(a), where a resistor is connected between the source terminal and the ground.
From the small-signal equivalent circuit (Fig. 2.8(b)), the voltage gain of this circuit
can be calculated as

R
Ay = —gnm D (2.13a)

(1 + gmRs) + Feoths)
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Figure 2.8 (a) Resistor-loaded common-source amplifier with a series source resistor. (b) The
small-signal equivalent circuit. (c) The definition of the effective transconductance. (d) Transfer
characteristic of a MOS transistor without Rg (solid line) and with Rg =500 Q (dashed line)

which can be simplified for r, > (Rp + Rs) to

8Em
(1 + ngS)

If we compare (2.13b) with (2.11b) we conclude that a resistor connected in series to
the source terminal reduces the transconductance of the transistor to a smaller value,

Ay = — Rp (2.13b)

which we will call the “effective transconductance:

gm
8Em(eff) = 1+ gmRs (213C)

Another effect of Rg is the linearization of the input voltage—output current transfer
characteristic and the consequent decrease of the nonlinear distortion. To visualize this
effect, the transfer characteristics of a MOS transistor alone and the transfer charac-
teristics of the transistor—resistor combination are shown in Fig. 2.8(d). Note the
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decrease of the slope of the curve (which is the transconductance) and the improvement
of the linearity. This technique is extensively used to improve the linearity (or decrease
the nonlinearity related distortions) of MOS amplifiers at the expense of reducing the
magnitude of the gain. It is obvious that the gate bias voltage of such a transistor must be

Ve = Vs + IpRs

where Vg is the gate—source voltage to flow /.

Example 2.2 Let us calculate the effects of the parasitic source resistance of a 35 um/
0.35 um NMOS transistor. The KP parameter of this technology is given as 170 uA/V?,
Assume that the dominant part of the parasitic series resistance is the intrinsic component,
and that the extrinsic source-region resistance and the contact resistances are negligible.
The total series resistance for NMOS transistors is given as RDSW = 345 ohm per micron
width.

(a) Calculate the parasitic series source resistance of the 35 um/0.35 um transistor.

RDSW 345
(b) For Ip=1mA, calculate the decrease of the transconductance owing to this series
resistance and the necessary increase of the gate bias voltage to compensate the
DC voltage drop on this resistance.

From (2.13b), the reduction of the transconductance is found to be

Em(eff) 1
8m 1 + ngS

w
gmRs = \/2BIp = ,/21<PI1D X R

gnRs = /2% (170 X 10-6) x 100 x 102 x § = 0.029

Emleff) 1 o
gn 140029

The DC voltage drop on Rg is 510> =5mV.

(c) Repeat (b) for Ip=10mA.
A factor of 10 increase of I increases g,Rs by a factor of V10=3.16, to
0.029x3.16 =0.09.

0.97

Hence

8Em(eff) 1

=—=0.92
Zm 1 +0.09

The DC voltage drop on Rg is RsIp=5x(10% 10*3) =50mV.
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Problem 2.1 Derive an expression for a velocity saturated transistor to calculate the
reduction of the transconductance as a function of the source-region series parasitic
resistance.

Active transistor loaded MOS amplifier (CMOS inverter as analog
amplifier)

The passive PMOS load of the NMOS input transistor in the amplifier shown in Fig. 2.2(a)
can be “activated” by connecting its gate to the input node, instead of a constant bias
voltage (Fig. 2.9(a)). This circuit is nothing but a CMOS logic inverter, which is
investigated in depth in all books on digital CMOS circuits [24], [25]. The input
voltage—output voltage transfer curve of such an inverter is given in Fig. 2.9(b), where
the output logic (1) and logic (0) regions are marked with (A) and (C), respectively. In
the transition region (B), the output voltage is — strongly and rather linearly — con-
trolled by the input voltage. This means that if we bias the input node in such a way
that the DC quiescent voltage of the output node is in the middle of this linear region
(i.e. equal to Vpp/2), this circuit can be used as an analog amplifier. An even more
advantageous solution is to design the circuit in such a way that the input DC bias
voltage also is equal to zero, which permits direct coupling to single-ended signal
sources and loads.

The voltage transfer curve of an inverter amplifier shown in Fig. 2.9(b) shows us
that the output signal can change from zero to Vpp (rail to rail). But for analog
amplification with low nonlinear distortion, it is convenient to exclude the upper and
lower portions of the transfer curve and restrict the output signal dynamic range into
the region where both M1 and M2 are in the saturation mode.

Vo(V) fe— (A) —> (B) — (C) —>]

'

VDD [ — r
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e |
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Figure 29 The CMOS inverter as a linear amplifier (a) and its voltage transfer curve (b).
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In Fig. 2.9(a), assuming that both M1 and M2 are not in the velocity saturation regime,
for an input voltage V; and the corresponding output voltage V., the drain currents are

1 174 .
Int = =, Cox | = | (Vi = Vi) (1 + 2. Vo)
2 L

1 W-
Iny = —Eﬂpcox (L_22> (Vi — Vop — VTp)2[1 + 2p(Vop — V)]

and they are equal in magnitude (Ip; = — Ip,). This yields an expression which is
useful for calculating the necessary conditions to set the operating point in the middle
of the transfer curve (i.e. V; and V,, both are equal to Vpp/2).

Wz_L_z,Lh< Vi— "V )2 1+}vn-V0 (214)

Wi Lipy \Vi— Vop — Vrp) 1+ Zp(Vop — Vo)

Since the input voltage—output voltage transfer curve is very steep around the operating
point, as shown in Fig. 2.9(b), the sensitivity of the output voltage with respect to the
tolerances of the input voltage and the transistor parameters is very high. Therefore it
is quite difficult to set the operating point at the desired position. The dimensions
(ratios) calculated according to (2.14) usually do not give an operating point accurately
(even sufficiently) in the middle of the linear operating range.’

A simple solution to improve the stability of the operating point is to connect a
resistor between the input and output nodes, as shown in Fig. 2.10(a), thereby forcing
the output voltage to approach the input DC voltage, which provides a current feed-
back to the input node. In Fig. 2.10(b) simulation results are shown for the transfer
curves of a CMOS inverter amplifier — which is intentionally not optimized, with and
without a feedback resistor. It can be seen that the operating point indeed moves
toward the middle of the output range as expected, however, the price of this
improvement is a reduction of the slope (the small-signal voltage gain of the amplifier)
and the dynamic range.

Another possibility for extending the usability of this circuit is to use symmetrical
twin power supplies, as shown in Fig. 2.11(a). This solution provides two important
advantages: (a) since the input DC bias voltage is zero, the AC (or pulse) signal source
can be directly connected to the input node, (b) the load of the amplifier — which can be
resistive or reactive — can be directly connected between the output node and the
ground (Fig. 2.11(b)). It must be kept in mind that transistors must be able to deliver
the necessary current to swing the voltage of the output node up or down to its
maximum or minimum value. In the case of a capacitive load, since the transistors are
operating in the saturation region and hence acting as current sources, the current
supplied by M1 or M2 discharges or charges the load capacitor with a constant slope.

S Especially for small geometries, for which the NMOS transistors usually operate in the velocity saturation
region (but not the PMOS transistors, as explained in Chapter 1), (2.1) is not valid any more. Therefore a
fine-tuning with SPICE simulation becomes compulsory.
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Figure 2.10 (a) A CMOS inverter amplifier with Rg feedback resistor. (b) PSpice simulation
results with no feedback resistor (A), with Rp=10 k (B) and with Rg=5 k (C). (Transistors:
L=06u, Wi=6u, Wo=15pu.)
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Figure 2.11 CMOS inverter amplifier biased by two DC power supplies to force the input and
output quiescent voltages to zero.

Consequently, the output voltage can reach its minimum or maximum value within a
certain time. This “slew-rate” effect will be investigated in Chapter 3.

The small-signal equivalent of this circuit and re-arranged forms of it to facilitate
the solution are given in Fig. 2.12(a), (b) and (c), respectively. From 2.12(c) the
voltage gain can be easily obtained as

7gm_GF

A4, = -2
G + Gr

(2.15)

which reduces to Zm

A, = 2.16
= (2.16)
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for Gg=0. Comparing (2.15) and (2.16), one can conclude that there are two sep-
arate signal paths from input to output: one amplifier path and a passive divider path.
To prevent the domination of the passive path the condition of g, > Gr must be
fulfilled.

Owing to the Rg feedback resistor, the input conductance of the amplifier is not
zero any more. It can be calculated from the small-signal equivalent circuit given in
Fig. 2.12(b) as

o GL +gm

= — (2.17)
G + Gr

i

For Gg > G the input conductance is approximately equal to Gy + g 2 gm. It
means that this is a low-input resistance circuit; therefore this circuit can also be
considered as a “transresistance amplifier”, suitable for use with high internal
impedance sources.

The value of the transresistance can be calculated as

v, Vo Vi on— Gp 1
Ry —o_Yoli_ g, = _8m—TF (2.18)
b Vi &m + GL GF
and reduces to
Rm ~ 7RF
for Gy, GL < m
g1 & Rg d, d,
—{—1— < ' ' .
T Em2Vi T
Vi 8m1Vi ol T2 Ry v,
S], Sz
(a)
g.&  Re dj, dy
r: ' . T + 1 ¥
Vi &mYi 8 [|GL v viGp Gr || vigm Gy Vo
o o » O g A 4
S, S, EL
(b) ()

Figure 2.12 The small-signal equivalent circuit of the inverter amplifier given in Fig. 2.10.
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Example 2.3 A CMOS inverter amplifier will be designed. The DC supply is a
+ 1.5V twin voltage source. The quiescent DC current must be 0.5 mA.” The design
will be made for AMS 0.35 p technology. The channel lengths of M1 and M2 will be
chosen as 0.35 um to maximize the RF and pulse performance.

(a) Calculate the channel widths of M1 and M2.
From the drain current expression of M1,

<W1> o 2Ip; <W1>
L (KP),(Vast — Vo) (14 2aVps1) \ L
2% (0.5%1073
_ x * ) —53 = W, =~ 1.86um
(170 x 10-6)(1.5 — 0.5)%(1 + 0.073 x 1.5)

The channel width of M2 can be calculated similarly, or from (2.14) as W, = 6.4 um.
(b) Calculate the voltage gain.

To calculate the voltage gain from (2.16), the transconductances and the output

conductances of M1 and M2 must be found.

The f parameters of M1 and M2 are

B = (KP), (Wi /L) = (170 x 107°) x 5.5 = 0.9 x 107> [A/V?]
B, = (KP),(Wa/L) = (58 x 107%) x 18.9 = 1.096 x 10° [A/V?]

Transconductances:

gm = /2% (0.9x 1073) x (0.5 x 10-3) = 0.95mS

gm = /2 x (1.1x103) x (0.5%x 1073) = 1.05mS
Zm = 0.95+1.05 =2mS

Output conductances:
Qo1 = Anlp1 = 0.073 x (0.5x1073) =36.5x107°S
202 = JplIpa| = 0.2 % (0.5x 107%) =100 x 107 S
Since there is no external resistive load,
GL = (36.5+100) x 107% = 0.1365 mS
Now the voltage gain:

2x 1073

Ay =———" "7 =
0.1365 x 103

—14.7(23.4dB)

7 The value of the DC quiescent current is related to the slew-rate of the amplifier and must be high for a
high slew-rate.



68

2.3

Basic MOS amplifiers: DC and low-frequency behavior

(c). Compare these results with PSpice simulation results.

With the calculated channel widths, PSpice gives a zero offset voltage transfer curve,
but the quiescent current of the circuit is 0.2 mA, which is considerably lower than the
targeted value. To increase the DC current to 0.5 mA, a procedure as explained in
Example 2.1 must be applied. At the end of this fine-tuning the channel widths are found
to be 2.5 um and 15.5 um, respectively, and the voltage gain is 18.4 (25.3 dB).

Common-gate (grounded-gate) amplifier

We have seen that the basic principle of a common-source amplifier is to control
the drain current with the gate—source voltage. This principle is also valid for the
“common-gate” or the “grounded-gate” amplifier given in Fig. 2.13(a). Vs biases the
transistor in inversion mode and provided that Vgg> Vp a channel exists and a
current (Ip) flows through this channel. The DC voltage of the output node is Vpg =
Vbp — Ip Rp. We know that the condition to keep the transistor in the saturation region
is Vps > (Vgs — V). This condition can be expressed in terms of the output node
quiescent voltage as

Vog > —Vr. (2.19)

This means that for a common-gate amplifier the DC voltage can decrease down to
zero, and can even become negative. Consequently, the output voltage dynamic range
of this circuit is larger than that of the common-source amplifier. The appropriate
output quiescent voltage is the mid-point of the output dynamic range.

The circuit has an input current exactly equal to the output current, in other words
the current gain is equal to unity. If the input current is kept constant, the output of a
common-gate circuit acts as an almost ideal current source. The utilization of this
property for an important class of amplifiers, namely the “cascode” circuits, will be
explained later.

The small-signal equivalent circuit of a common-gate amplifier (Fig. 2.13(b)) can be
drawn with a re-arrangement of the equivalent circuit given in Fig. 2.7, and Fig. 2.13(c)
can be obtained with a Norton-Thévenin transformation. From Fig. 2.13(c) the input
current can be

. 1 4+ gm-7o
s 2.20
= T Ro ( )
Since v, =i; Rp, the voltage gain can be calculated as
Vo 1 4 gmto
Ay =—=—"—R 2.21a
Y v (ro+Rp) D ( )
which can be reduced to

for gm > (1/r,) and o> Rp
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+Vbp

T

(©)

Figure 2.13 (a) The resistor-loaded common-gate amplifier, (b) the small-signal equivalent circuit
and (c) the modified equivalent circuit following a Thévenin transformation.

The comparison of (2.11b) and (2.21b) indicates that:

e the magnitude of the small-signal voltage gain of a common-gate amplifier is (at
least, approximately) equal to the gain of a common-source amplifier using the
same transistor dimensions, operating point and load;

e unlike the common-source amplifier, the sign of the gain of a common-
gate amplifier is positive. This means that the output signal is in phase with the
input signal.

Another important difference of the common-gate amplifier is its input resistance. It
can be intuitively understood that, owing to the high input current equal to the output
current, the common-gate amplifier has a low input resistance. From (2.20) the small-
signal input resistance can be calculated as

R
o= ot D (2.22a)
1+ gm7o
and reduces to
1
e — (2.22b)
8m

for g, > (1/r,) and r, > Rp. This low-input resistance circuit can also be considered
as a transresistance amplifier for high internal resistance signal sources, with

R = Rp. (2.23)
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Common-drain amplifier (source follower)

The third basic one-transistor amplifier configuration is the common-drain amplifier,
generally called the “source follower”. The circuit diagram of a source follower is
shown in Fig. 2.14(a). The drain is directly connected to Vpp and the load resistance is
connected between the source terminal and the ground. The DC current flowing
through Ry is equal to the drain current in magnitude. The input DC bias voltage has to
be equal to the sum of Vg and the voltage drop on Rg owing to the corresponding
drain current.

The initial small-signal equivalent circuit and a re-arranged form of it are given in
Fig. 2.14(b) and Fig. 2.14(c), respectively. From Fig. 2.14(c) the small-signal voltage
gain can be found as

gm-R

S L 2.24
1+ gm-R ( a)

v

where R is the parallel equivalent of the load resistor (Rg) and the output internal
resistance of the transistor, corresponding to the operating point. Equation (2.24a) can
be reduced to

Ay =2 +1 (2.24b)

for gnm.R > 1, which is valid for many practical cases. If we interpret (2.24b) together
with the fact that there is a constant DC voltage difference equal to Vg between the
input terminal and the output terminal, we understand why this circuit is called a
“voltage follower”.

To better understand why the source follower has extensive use in electronic circuits
in spite of unity voltage gain, the output internal resistance of the circuit must be
calculated. In Fig. 2.14(d) the equivalent circuit is arranged to calculate the output
internal resistance according to the definition. From this circuit the small-signal output
internal resistance can be easily found as

o= i = +1;m.1? (2.25a)
which can be reduced to
ro = L (2.25b)
&m

for gm.R > 1. We know that the transconductances of a MOS transistor operating in
the non-velocity saturated regime and velocity saturated regime are

w
&m = v 2Pl = 4/ 2uCox TID
G = k.Cox W .vgat

respectively. This means that it is possible to obtain small-output internal resistance
values using appropriate W and I, values for a non-velocity saturated transistor. For a
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Figure 2.14 (a) The basic source follower. (b) The small-signal equivalent circuit and (c) its re-
arranged form. (d) The small-signal equivalent circuit to calculate the output internal resistance.

velocity saturated transistor the solution is even simpler as the output internal resist-
ance of the circuit is inversely proportional to the gate width. As already explained in
principle, a high input impedance—low internal output impedance circuit is useful as a
buffer, for efficient signal transfer from a high internal resistance (non-ideal) voltage
source to a low impedance load.

A different configuration of the source follower uses a current source instead of the
resistor, as shown in Fig. 2.15(a). If there is a resistive load to be driven by this amplifier,
it is usually more convenient to use twin DC power supplies to bring the quiescent
voltage of the output node to zero and hence to prevent any DC current flowing through
the load resistor (Fig. 2.15(b)). The DC current source connected to the source of the
transistor is usually a MOS transistor, as shown in Fig. 2.15(c). This transistor (M2) must
be biased to conduct a current equal to the drain DC current of M1, when the voltage of
the output node is equal to zero. Certainly, both of these transistors must remain in the
saturation region for the whole output voltage dynamic range.

For a negative input signal the drain (and source) current of M1 decreases by iy(—). To
maintain the current of the current source (/s = Ip) constant, a current equal to ig(—) has
to flow through R; . Owing to the direction of this current, the output voltage decreases.
Depending on the value of the signal amplitude, Ip; can decrease down to zero. For this
extreme case, iq(—) becomes equal to /5. To maintain M2 in the saturation region

Vss —Ivo.R = Vpsa > (Vosa — V) (2.26)

must be satisfied for a given value of R . The output voltage corresponding to this case
(the negative peak value of the output voltage) is Vv, = —/5.RL.
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Figure 2.15 (a) The source follower with a current source load. (b) Using twin power supplies for
zero output DC voltage. (c) Using a MOS transistor as current source.

For a positive signal voltage the drain current of M1 increases by ig(+). This

difference current flows through Ry, and the output voltage increases. For v, = ||,

the maximum value of i4(+) must be equal to 2/s. For this case the drain current of M1
becomes equal to 2/5. To maintain M1 in the saturation region,

(VDD - Vo) > (f/Gy — VT) (227)

must be satisfied, where Vgs; is the gate—source voltage of M1 corresponding to
IDI == 2IS

Example 2.4 Design a source follower as shown in Fig. 2.16(a) for AMS 0.35 micron
technology. The design goals are zero output quiescent voltage and minimum +1V
output swing. The channel lengths will be chosen as 0.35 micron for good high-
frequency performance. Calculate (a) channel widths and gate bias voltages, (b) the
voltage gain, (c) the output internal resistance of the amplifier. (d) With the calculated
channel width values perform a PSpice simulation. Fine-tune the bias voltages to
obtain the calculated currents necessary for the design goal.

(a) Since the output quiescent voltage is zero and the output swing is +1 V, the
minimum value of the output voltage is v, = —1 V. To keep the power consumption
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Figure 2.16 (a) The schematic diagram of the source follower to be designed. (b) The PSpice
TRAN output for a 1.5 V amplitude, 1 kHz sinusoidal input signal.

minimum, at this extreme point of operation M1 must be driven to cut-off and the full
current of the current source (M2) must flow from R;. Therefore, v, = —IsR; and
Is = Ipy = 1/600 = 1.67 mA. Under these conditions M2 must fulfill the condition
given with (2.26), which is necessary to maintain M2 in the saturation region:

(Vosa — V1) < 1.6 — [(1.67 x 1073) x 600] = 0.6 V

With a 0.1 V safety margin we will prefer to use (Vgso — V) = 0.5V, since Vy=0.5V,
Vgso=1V and Vg, =—0.6 V. This means that M2 must conduct 1.67 mA for Vgg»
=1V. From the drain current expression of M2 the aspect ratio can be calculated as

<W> B 2 xIs 2% (1.67x107%)
L)y (KP),(Vosa — Vr)* (170 x 10-6) x (0.5)
which corresponds to W, =22.5 um.

At the maximum of the output voltage (v, = +1 V), a current of 1.67 mA must flow
in the opposite direction through the load, Ry . For this extreme case the current of M2

>~ 78.5

must be equal to the sum of this current and the current of M2, i.e. Ip; =3.34mA, and
M1 must remain in the saturation region according to (2.27):

(Vasi — V) < 1.6—1=0.6V

where VGSI is the voltage corresponding to I pi.- With a 0.1 V safety margin we will use
0.5V. Hence

= ~ 157
L

(K) _ 2 xIp, 2% (3.34% 1073)
1 (KP),(Vasi — V1)* (170 x 1076) x (0.5)?

which corresponds to W; =55 um.
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Now the bias voltage of M1 under the quiescent condition must be calculated,
corresponding to a drain current that is equal to Ig, in order to keep the load current
equal to zero and to fulfill the zero output quiescent voltage condition,

2% (1.67x1073)

Vost — Vr)? = =0.125
Vast =) (170 x 10-6) x 157

which gives the bias voltage of M1 as Vg, = V551 =0.85V.

(b) The voltage gain can be calculated from (2.24a). R in this expression is the
parallel equivalent of the output resistances of M1 and M2, and the load resistance,
that is approximately equal to Ry for this case. Therefore

gmiRL

4 oy _EmITL
YTl +gmRL

1%

The transconductance of M1 can be calculated as

gml = \/2(KP)H(W/L)IID1 = \/2 X (170 x 1076) x 157 x (1.67 x 1073) = 9.4mS
Then the voltage gain can be found as:

(9.4 x 1073) x 600

A, = =0.85
14 [(9.4 x 1073) x 600]
(c) The output internal resistance from (2.25a):
o 600 =~ 90 ohm

T 14 (9.4 % 1073) x 600

(d) The PSpice simulation performed with the calculated values does not initially
match the targeted current values. Therefore, a fine-tuning of the bias voltages is
necessary, with the procedure used in Example 2.1. The bias voltages for a quiescent
current of 1.67 mA are obtained as Vg; =1.34V and Vg5, =—0.3 V. Figure 2.16(b)
shows the transient simulation result for a 1 kHz sinusoidal input voltage with 1.5V
amplitude. This figure indicates that the positive and negative half periods of the
output voltage are not equal, indicating a nonlinearity, which is normal for max-
imum voltage swing.

Problem 2.2 A source follower as shown in Fig. 2.16(a) will be used to drive a
transmission line having a characteristic impedance of 600 ohm. To prevent signal
reflections, a transmission line must be terminated with resistors equal to its char-
acteristic impedance, at both ends. The input impedance of a transmission line
properly terminated at the output end is equal to the characteristic impedance, which
is purely resistive. (a) Design the circuit. (b) Calculate the value of the maximum
output swing. (c¢) Calculate the voltage gain. Improve the design with PSpice.
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The “long tailed pair”

Probably the most important and most frequently used basic amplifier circuit is the
“long tailed pair”. Figure 2.17 shows several types of the long tailed pair, along with a
short evolution history. All of these circuits permit zero DC quiescent voltages for both
inputs, provided that twin DC supplies (Vpp and Vsg) are used. In the circuits shown in
Fig. 2.17, the input transistors are NMOS transistors. It is also possible (and in some
cases advantageous) to use PMOS transistors as input transistors. In this case it is
obviously necessary to replace the PMOS load transistors with NMOS ones.

The basic structure of the long tailed pair is shown in Fig. 2.17(a). The circuit is
symmetrical in nature; M1 and M11 are identical transistors and the load resistors are
equal. Under quiescent conditions, M1 and M11 equally share the tail current, Ir,
which is supplied by a passive MOS current source, M3.

Instead of the drain resistors, passive PMOS transistors (M2, M12) biased in their
saturation regions can be used (Fig. 2.17(b)). It is obvious that, similar to the passive
transistor-loaded common-source amplifier, the biasing of the load transistors is crit-
ical. To overcome this serious problem, and to fix the DC quiescent voltages of the
output nodes, the — so-called — “common-mode feedback, CMFB” is an effective and
extensively used technique, and will be investigated later.

In the configuration shown in Fig. 2.17(c), the input transistors are loaded with
diode-connected (low-impedance) PMOS transistors (M2, M12) and their currents are
mirrored to the load resistors via M4 and M 14, to reduce the Miller effect. It is obvious
that the mirroring coefficient (current gain) can be higher than unity, which serves to
increase the voltage gain. Note that in this circuit both the input and the output
quiescent voltages can be set to zero.

In the circuit shown in Fig. 2.17(d), the load resistors are replaced with passive
NMOS current sources (M5 and M15). The currents of these sources must be equal to
B.(I1/2), where B is the current gain of the PMOS current mirrors loading the input
transistors. It is advantageous to bias M5 and M15 from the same DC voltage source
that biases M3. In this case the gate widths of M5 and M15 — in principle — must
be equal to (B/2).Ws. Since the A parameters of NMOS and PMOS transistors are —
mostly — not equal, to bring the output quiescent voltages to the desired value (to zero
for the twin DC power-supply case), usually a fine-tuning on the channel widths of M5
and M15 becomes necessary. It is also important to mention that the sensitivity of the
output DC quiescent voltage of this configuration is considerably lower than that of the
circuit given in Fig. 2.17(b). Therefore the need for CMFB is not as severe.

If a symmetrical or differential output is not needed, there is an appropriate solution
to obtain a single-ended output (Fig. 2.17(e)). This “active loaded long tailed pair”
configuration is extensively used as the input stage of operational amplifiers.

All these configurations (except the circuit given in Fig. 2.17(e)) are fully sym-
metrical in nature, and can be used in different operating modes.

e When a signal is applied to one of its input terminals and the other input is
grounded, the circuit can be used as a single-ended input amplifier providing two
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Figure 2.17 Evolution of the basic differential amplifier. (a) Resistance-loaded differential input—
differential output long tailed pair. (b) The load resistors replaced with passive PMOS loads. (c)
Mirroring the load resistors in (a) to reduce the Miller effect. (d) Replacement of the load resistors in
(c) with passive NMOS loads. (e) The differential input—single ended output amplifier.

symmetrical output signals, v, and v, simultaneously, with opposite phase and equal
amplitudes, each with respect to ground, as shown in Fig. 2.18(a).

e It is possible to use the difference of these two output signals as a floating differ-
ential output voltage: voq = (v, — V) (Fig. 2.18(b)).

e The long tailed pair can be used as a “difference amplifier” providing a differential
(or twin single-ended) output voltage proportional to the difference of two single-
ended, independent input signals, (v; — V) (Fig. 2.18(c)).
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Figure 2.18 (a) Single-ended input, twin single-ended outputs. (b) Single-ended input, differential
output. (c) Difference amplification for two independent input signals. (d) Floating differential
input. (e) Differential inputs with respect to ground.

e A floating input signal (Fig. 2.18(d)) or an input signal differential with respect to the
ground (Fig. 2.18(e)) can be applied between two inputs. For the floating input signal
case, to provide DC bias, the gates of M1 and M11 must be connected to ground with
two high-value resistors. Since the output signal is also differential, the circuit is
called a “fully differential” or “differential input—differential output” amplifier.

e In the case when the output signals are defined as currents, the circuit — by
definition — is called a “transconductance amplifier”, or “operational transcon-
ductance amplifier (OTA)”.

To find the gain expressions of the configurations given in Fig. 2.17, it is
possible to draw the small-signal equivalent circuits and then calculate the gain.



78

Basic MOS amplifiers: DC and low-frequency behavior

()Vss

+Vpp +Vbp

Ry, lin izll Ry, "ZZi Ri,

T

+

1 =7 T 1

r({ = rr DR

(9Vss ()Vss
(b) ()

Figure 2.19 Calculation of the signal currents in a long tailed pair via superposition. (a) The basic
circuit. (b) Circuit driven from the gate of M1 while the other input is grounded. (c¢) Circuit
driven from the gate of M2 while the other input is grounded.

Here we will prefer a different approach, using the knowledge acquired in pre-
vious sections.

In Fig. 2.19(a), the schematic diagram of the basic form of the long tailed pair is
given. To enhance the generality of the results, the load resistors of the transistors are
chosen with different values as Ry, and Ry,. The tail current source is represented by
an ideal DC current source I, and its internal resistance (rr). Under quiescent con-
ditions, the drain currents of M1 and M2 are equal to I1/2, and, consequently, their
transconductances are equal to g, = +/f,IT.

For the case of a signal applied to the gate of M1 where the other input is grounded,
the circuit can be re-drawn as shown in Fig 2.19(b), to view the circuit from a different
point. We can consider M1 as a transistor with a resistor (r;,) in series with its source
terminal. Here, 7 is the small-signal input resistance of M2 operating in the grounded
gate configuration,” which according to (2.22b) is equal to 1/g,,. The effective

8 The internal resistance of the tail current source is always much higher than the input resistance of the
grounded gate circuit, therefore it can be neglected.



2.5 The “long tailed pair” 79

transconductance of a MOS transistor with a resistor in series with its source terminal
(see (2.13c)) was found to be

&m

8Em(eff) = m

In this case, since the source resistance is equal to 1/gy,, the effective transconductance
of M1 iS gmefr) = gm/2. Hence the signal current of M1 that is the current flowing from
Ry, becomes

i11 = Vi1 ngm for Vil 7é 0 and Vip = 0 (2283)

Since the drain current of a grounded-gate circuit is equal to its source current, the
current flowing from Ry, is

i21 = 71'11 = —Vi1 gjm (228b)

Similarly, for the case of v;; #0 and v;; =0 (Fig. 2.19(¢)), the currents flowing from
Ry, and Ry, are

In = Vizgz—m (2.29a)

and

i12 = —i22 = —Vi2g7m (229b)
Since under small-signal conditions the circuit can be considered as linear, the
superposition principle is applicable. Hence, the drain signal current components of
M1 and M2 become

L =i +ip= gzﬂ(vn —i2) (2.30a)
and
. &m
=i +in= —7(\/11 — Vi) (2.30b)

These results can be applied to the circuits given in Fig. 2.17, to calculate the
voltage gain or the transconductance.
For the resistance-loaded circuit shown in Fig. 2.17(a), the output voltages are

Ve = —RLi| = —I_QLng(vi —V) (2.31a)
where Ry is the parallel equivalent of R; and the output resistance of M1.” Similarly,
V. = —Rui| = Rng (vi —v)) (2.31b)

° The load of such an amplifier is usually the gate input of the following stage, which is usually pure
capacitive. If there exists a resistive component of the load, certainly it must be taken into account as an
additional parallel component to Ry .
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and the differential output voltage,
(Vo — V) = —Rrgm(vi — V) (2.31¢)

Therefore, the single-ended voltage gains,

A= Yo = —%ngL (2.32a)
, A |
4, = CEDIE 5 gnRe (2.32b)
and the differential voltage gain
Ay = H = —guRL (2.32¢)

These expressions can be easily applied to the configurations given in Fig. 2.18 and
interpreted accordingly.
For the passive transistor-loaded long tailed pair shown in Fig. 2.17(b), the gain
expressions can be readily obtained by replacing R; by the output resistance of M2.
In the circuit shown in Fig. 2.17(c), the currents of M1 and M11 are mirrored to the
load resistors via M2-M4 and M12-M14 current mirrors. If the mirroring coefficients
of these mirrors are B, where B can be unity or larger, the gain expressions become

V, 1 7
A4, = o _° v = —EgmBRL (2.33a)
1 i
A S Y 2.33b
V_(v-—vf)_fgm L ( )
1 i

A= o=V o pp 233

vd — (Vi — v{) = —8m L ( . C)

For the voltage gain expressions of the circuit shown in Fig. 2.17(d), R must be
replaced by the output resistances of the passive load transistors M5 and M15. This
circuit is more suitable to use as an OTA. Since under the quiescent conditions the
currents of M4 and M5 (similarly M14 and M15) are equal, the output signal currents
i, and 7 are zero. For v; and v} input drives, the output currents are

1
iy =—Bj = zgmB(Vi - VI) (234&)

1

Therefore the differential transconductance is calculated as

io — i
s = (2= 15) = B (2.35)
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The output internal resistances of this OTA are obviously the parallel equivalent of the
output resistances of M4 and M5, and M14 and M15, respectively.

For the single-ended circuit given in Fig. 2.17(e), the signal current of MI is
mirrored to the output of M11. Since the current of M11 is equal in magnitude, but
opposite in phase, the total signal current flowing through the load is equal to 2i;.
Hence, the output voltage and the voltage gain become

v, = 20i1R] = gmR (vi —V)) (2.36a)

V/

A= < = gmR] (2.36b)

Example 2.5 A fully symmetrical OTA as shown in Fig. 2.17(d) will be designed for
AMS 0.35 micron technology. The target value of the transconductance is 3 mS. For a
good high-frequency performance, the channel lengths of the active transistors, the
quiescent current of the circuit and the B factor are chosen as 0.35 pm, 4 mA and 1,
respectively. The design will be made with hand calculations, and then fine-tuned with
PSpice simulations.

Since B =1, the drain DC current of the input transistors is equal to 1 mA, and the
transconductance of the input transistors must be 3 mS. Then, the f coefficient and the
aspect ratio of M1 and M11 can be calculated from g, = \/2fIp as

2 —3\2
g 3% 10
ﬁl—ﬂ—g

= = =45x 1073 [A/V?
2Ip 2X(1073) >x 10 [ /V]

and

W By 45x1073
—) = = =265 — W, =93
(L)l (KP), 170 x 10-6 Lo oenm

From the drain current expression,

2Ip, B 2 x (1073)
(KP),(W/L), (170 x 10-6) x 26.5

14

(Vast = V)’ =044 (Vgs — Vin) = 0.67V.
The gate—source bias voltage of M1 (and M11) is found to be Vgg; = 1.17 V. Since the
quiescent voltage of both inputs is equal to zero, the DC voltage of the source of M1
and M11 is Vg;=— 1.17V.

We know that all transistors in this circuit must operate in the saturation region,
even under worst-case conditions. The worst-case condition for M1 and M2 occurs
when the full tail current (2mA in our case) flows over this branch, under a high
positive drive on the input of M1. For 1 p1 = It = 2 mA, the gate drive can be found as
(f/GSI — V1) =0.94 V. Therefore, to maintain the saturation condition of MI, the
condition of Vpg; > (f/Gs | — Vta) must be satisfied. With a safety margin, we
choose Vps; =1V under maximum drive of M1. The voltage of the drain nodes of M1
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and M2 can be found to be Vp; = Vpg1—Vs; = —0.17 V. Then the gate—source voltage
is —1.77V and the drain current of M2 with this gate drive must be 2 mA. From
these considerations, the aspect ratio and the gate width of M2 (and M12) can be
calculated as

<K> N 2|/
L), (KP)p(Vasa — VTP)2
2x (2x1073)

- —60.5 — W, =21.2um.
(58 x 10)x [~ 1.77 — (—0.7)] o Hm

To obtain a high internal resistance, the channel length of the tail current source
(M3) will be chosen as 1um. The aspect ratio and the channel width of M3 can be
calculated such that the transistor is in the saturation region for Ip; = It =2 mA. The
drain—source voltage of M3 is Vpg3 = Vg — Vgs=— 1.17— (— 1.6) =0.43 V. There-
fore Vps3 > (Ggsz — Vrny) must be satisfied. With a safety margin, we can choose
Vasz — Vin=0.4V, therefore Vgs3=0.9V and Vg3 =—0.7V. Now it is possible to
find the aspect ratio of M3.

w 2x(2%x1073
<> __2x@x107) S =147 — Wy =51.5um.
L)y (170x10-6)x(0.4)

Since B =1, the dimensions of M4 (and M14) are the same as M2.' Note that M5
and M15 are not on the signal path. Therefore it is possible to use a longer channel
length value, for example 1 um as in the tail transistor. The channel widths can be
calculated for Ips=1 mA, Vpgs=1.6V and Vgs=V53=—0.7V as Ws=73.5 um.

As in the previous examples, simulations performed with the calculated values do
not initially match the targeted drain currents, but they provide a reasonable starting
point for iterations. To maintain the saturation conditions of transistors, it is wise to
keep the calculated bias voltages and fine-tune the widths of the transistors for targeted
currents. The PSpice netlist obtained after the fine-tuning procedure is given below.
The circuit diagram and the input voltage to output current transfer curves are shown
in Fig. 2.20.

*DESIGN:OTA-AMS 035%*

.1ib “cmos7tm.mod”

VDD 1000 1.6

VSS 2000 —1.6

M1 613200modn L=.35UW=24U0 ad=20.5e-12 as=20.5e-12 Pd=48u
Ps=48u

10 If the drain—source voltages of M2 and M4 are not equal as in our example owing to the channel
shortening effect, the drain currents are not exactly equal. This only acts on the value of B, and
consequently the final value of the transconductance. Certainly it is possible to fine-tune the width of M4
and M14 during simulations.
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Figure 2.20 (a) The circuit diagram and dimensions of transistors. (b) The input voltage (vig) to
the short-circuit output current transfer curve of the OTA; Curve A: I(R7), Curve B: I(17). The
value of the transconductance is 3.016 mS.

M11 5 2 3 200 modn L=.35U0 W=24U ad=20.5e-12 as=20.5e-12
Pd=48u Ps=48u

M2 6 6 100 100 modp L=.35U W=50U0 ad=42.5e-12 as=42.5e-12
PD=100U PS=100U

M12 55 100 100 modp L=.35U W=50U ad=42.5e-12 as=42.5e-12
PD=100U PS=100U

M3 3 4 200 200 modn L=1U W=230U ad=195.5e-12 as=195.5e-12
PD=460U PS=460U

M4 75100 100 modp L=.35U W=48U ad=41le-12 as=41le-12 PD=96U
PS=96U

M5 7 4 200 200 modn L=1U W=111U ad=92.4e-12 as=92.4e-12
PD=222U PS=222U

M14 17 6 100 100 modp L=.35U W=48U ad=4le-12 as=4le-12
PD=96U PS=96U

M15 17 4 200 200 modn L=1U W=111U ad=92.4e-12 as=92.4e-12
PD=222U PS=222U

R7 701

R171701

vtb540-0.7

VIN1 1 0dc 0 ac 1Im

e22010-1

.DC VIN1 -1 1 10M

.AC DEC 20 10MEG 10G

. PROBE

.END
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Problem 2.3 It is intended to increase the transconductance of the circuit designed in
Example 2.5 to 10mS. One of the solutions is to increase the B factors of the load
current mirrors. Modify the design in this way.

Problem 2.4 To improve the linearity of the circuit designed in Problem 2.3, an
appropriate resistor can be connected in series to the source terminals of the input
transistors, at the price of the reduction of the transconductances. Modify the design in
this way to reduce the total transconductance of the circuit to 3 mS. Compare the
transfer curves with that of Example 2.5.

Problem 2.5 Repeat the design given in Example 2.5 with PMOS input transistors.
Discuss the advantages and disadvantages of this new design.

The large signal behavior of the long tailed pair

From Fig. 2.20(b) we see that the linear dependence between the input and the output
voltages is limited to a certain region around the quiescent point. For larger dif-
ferential input voltage swings, first the linearity of the output signal variation
deteriorates, then the control ability of the input signal completely disappears.
Obviously, the calculated small-signal behavior of the amplifier is valid only in the
region where the output signal is a linear function of the input signal. For example, it
can be seen from Fig. 2.20(b) that for the circuit designed above, the linear operation
range is approximately + 0.3V around the quiescent point. For larger input
signal amplitudes, nonlinear distortion and even clipping on the output signal is
unavoidable.

In addition to this observation, Fig. 2.20(b) shows that for a sufficiently large
differential input signal (approximately + 0.4V for our example) the output current
switches — almost completely — from one output to another. This is important infor-
mation indicating that a long tailed pair can be used as a switching circuit.

Since all differential circuits based on the long tail structure exhibit the same basic
properties, we will investigate the large signal behavior of the basic long tailed pair
shown in Fig. 2.21(a). M1 and M2 are biased in their saturation region and equally
share the tail current under quiescent condition (i.e. v;g = 0). The drain currents can be
written in terms of the gate—source voltages as

1
]1 =~ —ﬁ(Vgsl — VT)z [2 >~

2 ﬁ(VgSZ - VT)2
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Figure 2.21 (a) The basic long tailed pair. (b) The normalized drain currents of M1 and M2 as a
function of the differential input voltage. (X = via//2Ir/B, Y =1 /It, Z=1-7)

then

21
v, sl — VT = T
( g ) ﬁ

The differential input voltage:

121 21
Vid = Vg] - Vg2 = Vgsl - VgsZ = 71 - \/% (2373)
with IZZIT—11:
i 1 I
V—“:\ﬁ—,/l——1 (2.37b)
V2Ir /B It It

Using this normalized expression, the variations of /; and I, as a function of the
differential input voltage v;q can be plotted as shown in Fig. 2.21(b). As expected, for
via =0, I} = I, = (I1/2) monotonically increases with v;q and I, decreases, such that the
sum of these currents remains equal to It. For

via = /2t /B (2.38)

the tail current is completely switched to M1 and the drain current of M2 becomes
zero. Similarly, for viy = —+/2I1/p the drain current of M2 becomes equal to It and I;
reduces to zero. This means that the circuit can be used as a two-position switch, to
toggle a current (the tail current) between two branches. According to (2.38), to switch
a certain current, the input voltage switching interval is narrower for higher f values.
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Figure 2.22 (a) Variations of the single-ended and differential output voltages of a resistance-
loaded long tailed pair for DC sweep of the differential input voltage (input transistors: 35 pm/
0.35 pm, the tail transistor: 90 um/1 pm, the tail current: 0.8 mA, load resistors: 2 k ohm). (b)
Variations of the single-ended output voltages for common-mode input voltage.

The simulation results of the single-ended and differential output voltages of a
resistance-loaded long tailed pair are given in Fig. 2.22(a), as a function of the dif-
ferential input voltage. The linear control regions of the transfer characteristics and the
switching property of the circuit are clearly shown. The small-signal voltage gain can
be derived as the slope of the transfer curve at the quiescent point.

One of the important aspects of a long tailed pair is its behavior when the voltages
applied to the inputs are identical, i.e. when the inputs are driven by a “common-mode
signal”. According to (2.31a) and (2.31b), under common-mode input signal condi-
tions (i.e. vi = v{), the signal components of the output voltages must be zero. In other
words, the voltages of output nodes must remain constant. But in reality, as shown by
the simulation results in Fig. 2.22(b), v, and v’ vary with the common-mode input
signal, and their variations are identical. As seen from this figure, there are two
different regions of these curves. In the vicinity of the quiescent operating point (under
small-signal conditions) the variations are small. But for large negative input voltages
the output voltages decrease sharply, which is owing to the transition of the tail
transistor to the pre-saturation (resistive) region.

The rate of change of the single-ended output voltage with respect to the common-
mode input signal under small-signal conditions is called the “common-mode gain” of
the amplifier and can be calculated from the small-signal equivalent circuit shown in Fig.
2.23(b), as the ratio of one of the output voltages to the common input voltage:

- Vo2 1 RL

Ay = — = —gnR ~— 2.39
c Ve &m L(l+2Vngm)+M 2ot ( )

To2
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Figure 2.23 (a) The small-signal equivalent circuit of a resistance-loaded long tailed pair (ryr
represents the internal resistance of the tail current source). (b) The half-circuit obtained by
cutting the circuit from its symmetry axis for common-mode drive.

It must be noted that for common-mode input signals, the difference between the output
signals is zero and consequently, the “common-mode input to differential output voltage
gain” is zero, provided that the symmetry of the circuit is perfect.

For a mixed input signal that has differential as well as common-mode components,
the differential and common-mode gains can be independently calculated using the
superposition principle since the circuit is assumed to be linear under small-signal
conditions. The ratio of the “differential input to differential output voltage gain” to
the “common-mode voltage gain” is defined as the “common-mode rejection ratio
(CMRR)”:

CMRR = @ ~ 28l oT (2.40)
AVC

Equation (2.40) indicates that for a high CMRR, the small-signal internal resistance of
the tail current source must be as high as possible. Especially for small geometry
technologies (small supply-voltage values) it is not convenient to use complicated high
internal resistance current sources (for example cascode circuits) that contain more
than one transistor in series. Since the tail current source is not in the signal path, it is
possible to use long channel devices that provide higher internal resistance values. But
since the channel widths also must be proportionally high, the parasitic capacitances
are higher, which leads to lower internal impedances at high frequencies that deteri-
orate the CMRR at high frequencies, accordingly.

Problem 2.6 Calculate the transistor channel widths of a long tailed pair that will be
used to switch a 1 mA current, with a total input switching range of 200mV. The
parameters of this 0.18 um technology are given as V1 =0.4V, u, =300 cm?/V.s and
Cox=8x10"" Flem®.
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Problem 2.7 Derive (2.39).

Common-mode feedback

We have seen that the DC components of the output signals of a differential amplifier
may be different from the targeted value. This difference can arise from the biasing of
the passive load transistors, which is critical, or can be the result of the non-zero
common-mode gain under common-mode input signals. To eliminate, or at least to
reduce, the adverse effects of these unwanted DC components that occur equally on
both outputs, a technique called “common-mode feedback” (CMFB) is a useful tool."'
The common-mode feedback must be arranged in such a way that it has no effect on
the differential gain of the amplifier, but forms an effective negative feedback to
reduce the common-mode gain and to control the DC components that are common for
both outputs.

There are several CMFB circuits shown in the literature [24], [25]. The generally
used approach for the common-mode feedback is summarized in Fig. 2.24. The output
signals having differential signal components and DC common-mode components'”
are shown in Fig. 2.24(a). Assuming that the symmetry of the circuit is perfect, the
difference of these signals, which is the differential output signal of the amplifier, has
no common-mode component, as shown in Fig. 2.24(c). The sum of the output signals
is shown in Fig. 2.24(b). Since the differential signal components are in opposite
phase, they cancel each other. The result is the sum of the common-mode components
that is compared with a reference, and the resulting error signal is fed back to an
appropriate node of the circuit in correct magnitude and phase, to eliminate — or reduce
— the error (Fig. 2.24(d)).

If the output signals of the amplifier are voltages (as in a differential voltage amplifier)
the feedback circuit must be designed to be effective on the common-mode voltages for
an appropriate control of the output common-mode component. But for OTAs, where
the output signals of the circuit are currents by definition, the CMFB circuit must be
designed to minimize the common-mode components of the output currents.

It must be noted that, although the CMFB is effective at DC and at the low end of
the frequency range, owing to the additional load it impairs the high-frequency per-
formance of the amplifier.

Example 2.6 As a practical example, a passive PMOS transistor-loaded long tailed
pair having a non-ideal tail current source is shown in Fig. 2.25(a). The circuit
was designed for 0.45V DC level at the output nodes. The bias voltage of the load

" Owing to the tolerances of the devices, the symmetry of the circuit can be not perfect. For this case the
CMFB is only partially effective.

12 The common-mode signal does not have to be DC, but it must be within the bandwidth of the feedback
circuit.
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Figure 2.24 (a) The voltages of the output nodes of a differential voltage amplifier. V,q and vocm
represent the quiescent DC voltage and the CM component of the output voltage, respectively.
(b) The sum and (c) the difference of the output voltages. (d) Schematic of the CMFB circuit.
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Figure 2.25 (a) A passive transistor-loaded long tailed pair. Transistors are 0.35p AMS
transistors. All channel lengths are 0.35 pm. Channel widths: for the input transistor 35 um, for
the load transistors 60 um and the tail transistor 10 um. (b) The simple voltage CMFB circuit.
M6 to M9 are the same with L=0.35um and W=35 pm. To increase the gain of the current
differencing amplifier long channel-length devices are used as M10 and M11 (300 pm/2 pm).

transistors was tuned as Vg =0.674 V to obtain this quiescent voltage. Fig. 2.26(a)
shows the very high sensitivity of the output quiescent voltages with respect to this
bias voltage, and it can be understood that this circuit is very sensitive to the variations
of the bias voltage, as well as to the parameter tolerances of the transistors, and
consequently, is not a very robust circuit as it is.

A simple CMFB circuit to control the output common-mode voltages is given in
Fig. 2.25(b). M6 and M7 in this circuit measure the voltages of the output nodes and
produce quadratically related drain currents. These currents are summed on M10 and
produce a gate—source voltage that is an inverse quadratic function of the current. This
voltage is not a perfectly linear function of the output voltage but there is an inherent
nonlinearity compensation to some extent. M8 and M9 are the same as M6 and M7,
and biased with a reference voltage (Vrgr). When the DC voltages of the output nodes
are equal to VRgp, the drain voltage of M11 is equal to V¢, which has the appropriate
value to bias the load transistors. M10 and M 11 work together as a current differencing
amplifier'” and produce the control voltage (Vcont). If a CM voltage occurs on the
output nodes, an error voltage component approximately proportional to the difference
of the drain currents of M10 and M11 is produced and controls the load transistors to
compensate the CM signal. From another point of view, this circuit compares the
output common-mode voltage with the reference voltage and forces the circuit to
reduce the error.

To apply CMFB to the amplifier shown in Fig. 2.25(a), the outputs of the amplifier
must be connected to the gates of M6 and M7, and the control voltage output of the
CMFB circuit must be replaced by the bias voltage source of the load transistors.

'3 This circuit is inspired by the Norton Amplifier structure used in bipolar ICs in earlier years [25].
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Figure 2.26 (a) The variation of the single-ended output voltages of the long tailed pair shown in
Fig. 2.25(a), as a function of the bias voltage of the load transistors. (b) The single-ended (A and
B) and differential (C) output voltages of the CMFB applied amplifier for a differential drive. (c)
The voltages of the output nodes as a function of the common-mode input signal, (A) without
CMFB, (B) with CMFB.

The single-ended and differential output voltages of this combination are shown in
Fig. 2.26(b) under a differential input drive (vi; =— v;;). In Fig. 2.26(c), the output
voltages under a common-mode signal (vi, =v;;), without (A) and with (B) common-
mode feedback are shown. It can be clearly seen that the CMFB effectively reduces the
common-mode gain and clamps the output DC levels to the reference voltage. The
small and relatively harmless difference between the single-ended output voltages and
the reference voltage is the result of the finite-loop gain of the feedback.
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Example 2.7 One of the important classes of differential amplifiers is the fully
differential OTA, which is extensively used in the gyrator-based active filters. Since
the output signals of OTAs are currents by definition, the common-mode feedback
signal must be sampled from the sum of the output currents and compared to the
targeted quiescent value (i.e. zero in most cases). Then, the produced error voltage
must be applied to an appropriate node, in the correct phase. The output currents
must be sampled without affecting the load currents. To solve this problem, in the
circuit shown in Fig. 2.27(a), the output transistors (M6, M7 and M16, M17) are
duplicated (M26, M27 and M36, M37) and the replicated second set of output
currents are used as the input signals of the feedback circuit shown in Fig. 2.27(b).
In this circuit the replicated output currents are summed on a resistor (R51) and
produce a feedback signal proportional to the sum of the output currents and
obviously independent from the actual load of the amplifier (which can be nonlinear
and/or reactive). The rest of the circuit is a simple differential amplifier, comparing
the feedback signal with the target quiescent voltage and producing a suitable bias
voltage for M7, M17, M27 and M37.

As an example for this current-mode CMFB (CCMFB), the OTA shown in Fig. 2.27(a)
was designed. The tail current was chosen as 100 pA. The target transconductance
value was 1 mS. In order to improve the linearity of the amplifier, series source
resistances were used, as shown in Fig. 2.28(a). The core OTA was intentionally not
well optimized to obtain zero output offset, such that the influence of CMFB can be
observed more clearly. The results are as follows:

- The output offset currents without CCMFB : 11.27 pA
with CCMFB : 1.115pA

-—||:M53
—[ Ms1 ms2 |:|__

M54

(@ (b)

Figure 2.27 (a) The schematic of a fully symmetric OTA that has separate replicated current
outputs for feedback. (b) The simple current CMFB circuit used in this example.
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Figure 2.28 (a) The source series resistances of the input transistors that decrease the effective

transconductance but improve linearity as mentioned in Section 2.1. (b) The DC transfer curves
of the OTA with the CMFB circuit given in Fig. 2.27. The input transistors have series source
resistances. The dimensions of the transistor are as follows: M1, M2: 50 um/0.35 pm; M3, M4,
M6, M16, M26: 50 pm/0.35 pm; MS5: 23 pm/1 um; M7, M17, M27, M37: 13 um/1 pm; M51,
M52: 10 pm/1 wm; M54, M55: 2 um/0.35 pm; M53: 40 um/1 pm; Rg; = Rs, =385 ohm, Rs; =1
k ohm. Bias voltages of M7, M17, M27, M37 are -0.7 V.

- The common-gain without CCMFB : 3.40 uS (CMRR = 49.4 dB)
with CCMFB : 0.13uS (CMRR = 77.7 dB).

The improvements on the values of the output offset current, the CMRR, and the shape
of the simulated transfer curve given in Fig. 2.28(b) show the effectiveness of the
common-mode feedback.

Problem 2.8 Discuss how we can improve the linearity and the CMRR of the OTA
even further in the example, without (and with) increasing the current consumption.

Problem 2.9

(a). An alternative solution to improve the linearity of a long tailed pair is given in the
figure, part (a). Show that this is equivalent to the classical approach given in the

figure part (b).
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(b). Compare and discuss the advantages and disadvantages of these two solutions.



High-frequency behavior
of basic amplifiers

It was already discussed in earlier chapters that the amplitude and the phase responses
of amplifiers change with frequency, either intentionally or non-intentionally. In some
applications, a specific frequency response is desired, for example a band-pass char-
acteristic for an LNA (here, LNA stands for “low-noise amplifier” — the low-noise
input stage of a receiver). To shape the frequency response according to our needs, we
use reactive components; such as inductors and capacitors. For other applications a flat
frequency response is required; however, gain inevitably drops at higher frequencies.
The reason for this ‘“non-intentional” change of the frequency response is the
“parasitic” components of the circuit; i.e. all non-avoidable reactive (usually capaci-
tive) components related to the devices and the interconnections. To investigate the
essential frequency-dependent behaviors of amplifiers, it is necessary to improve the
small-signal equivalent circuit of a MOS transistor developed in Chapter 2.

The small-signal equivalent circuit of a MOS transistor biased at a certain operating
point in the saturation region was given in Chapter 2, Fig. 2.6. To extend the usability of
this equivalent circuit to high frequencies (in other words, to radio frequencies), it is
necessary to add the parasitic capacitances and the parasitic resistances that were dis-
cussed in Chapter 1, as shown in Fig. 3.1(a). In this equivalent circuit Rp, Rg and Rg are
the series resistances of the corresponding regions of the device, where d’, s” and g’
represent the so-called “internal nodes™ that are inaccessible from the device terminals;
d, s and g represent the external terminals. Cyy is the gate—source capacitance, Cy, is
the drain—gate overlap capacitance. Cy, and Cy, are the junction capacitances of the
source and drain regions and Ry, and Ry, are the series resistances of them.

Although the equivalent circuit given in Fig. 3.1(a) models the small-signal
behavior of a MOS transistor in the RF region with good accuracys, it is not convenient
for hand calculations. To be able to obtain manageable and interpretable expressions, it
is necessary to simplify this equivalent circuit. The reduced equivalent circuit shown in
Fig. 3.1(b) is simple enough for hand calculations and provides reasonable accuracy to
enable us to understand the basic behavior of the circuits, prior to the detailed SPICE
simulations.

The small-signal equivalent circuits of an arbitrary electronic circuit, valid at high
frequencies, can be constructed according to the basic rules given in Chapter 2, and
then solved using conventional network analysis techniques. One of these techniques
is the well-known method called the “Miller Theorem” that has been extensively used
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Figure 3.1 (a) The RF small-signal equivalent circuit of a MOS transistor that contains all
parasitics. (b) The simplified version for hand calculations.
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Figure 3.2 Development of the (modified) Miller conversion.

since the early days of the RF electronics [26]. The method was developed to
understand and calculate the unexpected effects of the anode-to-grid capacitance of a
triode tube, on the input impedance of an amplifier. Before going any further, a
modified form of this method, useful for straightforward calculation of the gain
function as well as the input and output impedances, will be presented below.
Assume that there is an admittance Y between any two nodes (say A and B) of a
circuit. It is possible to replace this admittance with two branches, connected between
these nodes and the ground, without changing the total current balance of these nodes.
The development of this conversion is given step-by-step in Fig. 3.2. The original
circuit that contains an admittance Y between the nodes A and B is shown in Fig. 3.2(a).
The out-going currents from these nodes owing to Y are shown as I and I’, where
I=—I'. In the converted circuit, the parallel branches replacing Y have currents equal
to 7 and I’, respectively. One of the components of these currents is proportional to the
node voltages (VAY and VgY) and can be represented by two admittances equal to Y,
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connected between these nodes and the ground. The other component of the currents
on the parallel branches is proportional to the voltages of the other node, and must be
represented by voltage-controlled current sources (—VgY) and (—V,Y), as shown in
Fig. 3.2(b).

At first sight it seems that this transformation increases the complexity of the circuit.
But it will be seen that it simplifies the calculation of gain and input and output
impedances of amplifiers containing a path between the input and output nodes (that
almost always exists).

High-frequency behavior of a common-source amplifier

The high-frequency small-signal equivalent circuit of a common-source amplifier
(either resistive-loaded as shown in Fig. 2.1(a), or passive transistor-loaded as shown
in Fig. 2.2(a)) is given in Fig. 3.3(a). The load of the amplifier is shown as Y; which
can be any resistive or reactive (containing inductors and/or capacitors as well)
admittance. Applying the Miller transformation as explained above, the equivalent
circuit can be re-arranged as shown in Fig. 3.3(b) and Fig. 3.3(c). From Fig. 3.3(¢c), the
output voltage vqs can be directly calculated in terms of the input voltage v, as

8m — 5Caq (3.1)

Vds = — Vg
Y, ¢

where Y, is the sum of the load admittance and the output internal admittance of the
amplifier which is the parallel equivalent of g4 and Cy,. As a more realistic approach,
it is useful to add the parasitic capacitance between the drain and the ground C,;, that is
composed of the drain-bulk capacitance, Cyg, and the interconnection parasitics. Now
the voltage gain of the circuit can be written as

(3.2)
Using (3.1), the current source on the left hand side of Fig. 3.3(b) can be expressed

in terms of v, as shown in Fig. 3.3(c):

. sCq
i = Vgs(gm — 5Cag) 7 £

o

= —VgeAy5Cyq

In Fig. 3.4 the equivalent circuit is re-arranged by replacing the current source with
the “Miller admittance” y,,,; connected between the gate and the source nodes. From
Fig. 3.4 the input admittance of the amplifier can be found to be

—sC
Vi = $Ca 2250 50y (—Ay) (3.3a)

Y,
m — SCdg

8
¥i = 5(Cos + Cag) +ymi = 5(Cys + Cag) +5Cas ™ (3.3b)
o

From (3.2) and (3.3a) it is obvious that the voltage gain and the input admittance
depend on the load admittance, which in many cases is the dominant part of Y.
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Figure 3.3 Development of the small-signal equivalent circuit of the common-source amplifier:
(a) original equivalent circuit, (b) equivalent circuit after Miller transformation, (c) equivalent
circuit after simplification.

(8m— Scdg)vgs d

Figure 3.4 Modification of the equivalent circuit for calculation of input admittance.

Therefore, it is necessary to investigate the frequency-dependent behavior of the gain
and the input admittance for typical cases of the load. The most important case is the
R-C load and will be investigated in the following section. The other important case,
the L-C load (tuned load) will be dealt with in detail in Chapter 4.
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Figure 3.5 The small-signal equivalent circuit of an R-C loaded amplifier (a) before Miller
transformation, (b) after Miller transformation.

The R-C load case

The basic small-signal equivalent circuit and the circuit after application of the Miller
transformation of an R-C loaded common-source amplifier are given in Fig. 3.5(a) and
(b), respectively. Note that even for the case of pure resistive load at the output node,
the actual conditions correspond to the R-C loaded amplifier case owing to Cq, and
the output parasitics. The total admittance at the output node (Y, = G, + sC,) is the
parallel equivalent of the external load, ¥ = Gy +sCy, and g4 + s(Cyg + Cop), Where
C,p, represents the total parasitic capacitance of the output node.
Now the voltage gain of the amplifier can be calculated from (3.2):

m — stg o % (S — S())

A, = — = 34
v Go+5Cy  Co (5—5p) (3.42)
where
Em Go (gds + GL)
so=+>— and s=——=—"—"7-—"F—"""— 3.4b
0 Cdg P Co (Cop + Cdg + CL) ( )

are the zero and the pole of the voltage gain function. The low-frequency (s—0)
voltage gain of the amplifier can be easily obtained from (3.4a) as

AV(O):—g—m:_ gm

Go (GL +gds) (35)

The magnitude and phase characteristics of the amplifier can be obtained from the
pole—zero diagram of the gain function (Fig. 3.6).
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Figure 3.6 (a) The pole—zero diagram of the R-C loaded amplifier. (b) The magnitude
characteristic of the voltage gain with its asymptotes. (c) The approximate phase characteristic.

The following conclusions can be drawn from the characteristics.

e The magnitude of the gain decreases with frequency and drops to 1/v/2 (or 3 dB
below) of its low-frequency value at w, corresponding to the pole.

e For w > w,, the magnitude characteristic of an R-C loaded amplifier decreases with
a 20 dB/decade slope, up to the frequency corresponding to the “zero” of the gain
function, which is usually much higher than the pole frequency (or the —3 dB
frequency).

e The -3 dB frequency of the amplifier is inversely proportional to the total output
node capacitance. This frequency (or the bandwidth of the amplifier) can be set to a
lower value by using an appropriate parallel capacitor connected to the output.

e The phase of the gain is 180° at low frequencies, decreases to (approximately) 135°
at the pole frequency and tends asymptotically to 90°. But owing to the existence of
the right half-plane zero, it continues to decrease and reaches (approximately) 45° at
the zero frequency and becomes asymptotic to zero at very high frequencies. This
additional 90° phase shift, compared to the hypothetical case of Cy, =0, can be the
source of certain problems in feedback amplifiers.

The gain—bandwidth product of the amplifier can be calculated from (3.4b) and (3.5) as

~ &m (3.6)

1
GBW = |A,| x - |sp| = 52
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The input admittance can be calculated from (3.3a), fixing the value of the Miller
admittance for this case. The Miller admittance can be calculated from (3.3a) as

Zm — 5Cq4

Ymi = sCyg Tscg (3.7)
and in the frequency domain,
: Em _jwcdg .
) =il e b 3.8
() = jCay T = gai(©) + (o) ()
The real and imaginary parts of this admittance are
Cyg Cyg 1
- =g +Gy—2)|——— 3.9

gmi(®) C0<g+ °C, ) Tonjw) 11 (3.9a)

C? — w?
bani(@) = 00— Y _ e (3.9b)

G 2+ w?

where w, and w, are the frequencies corresponding to the pole and the zero of the
voltage gain function.

Equation (3.9a) shows that there is an unexpected real part of the input admittance,
which manifests itself as a frequency-dependent input conductance. The variation of
this conductance as a function of w is plotted in Fig. 3.7(a). The value of this

() 8mi
_ —dg Cdg ------------------------------------
gml(oo) - 8, G,
C [ m T YeTE,
1
Egmi( L R 1
: (0]
@p
(b) Cmi
8m
C,pi(0) = Cgy 22
mi g G(,
1
E Cmi(o) h
5 o
,

Figure 3.7 Variation of (a) the input conductance and (b) the input capacitance of the common-
source amplifier.
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conductance is zero for w =0, and increases with frequency up to

C C
&mi(w — 0) :Cdg<gm+Gogg) (3.10)
o o

The input conductance at the pole frequency of the amplifier is

gmi(a) — ()O) 1 Cdg Cdg
mi(p) =2 = g+ Gyt 11

Since the gate is isolated from all other parts of the device by the gate oxide which is —
almost — an ideal insulator, the input conductance of a MOS transistor is generally
assumed to be zero. This is true for the DC case, and the conductance is negligibly
small at low frequencies. But owing to the existence of the drain—gate parasitic cap-
acitance as seen from (3.9), this assumption is not true for the AC case, in general.
Especially at higher frequencies approaching the pole frequency of the amplifier, the
input conductance can reach surprisingly high values.

Example 3.1 For the amplifier given in Fig. 3.8, the DC drain current (bias) of the
transistor is Ip =150 pA, therefore Vpg=1.5 V. For this operating point the small-
signal parameters are g,=2mS, Cyo=201F, Co=90fF, and g4,=30puS. The
parasitic capacitance of the output node is assumed to be 10 fF.
The low-frequency gain and the pole frequency can be calculated from (3.5) and
(3.4b) as
2x1073

A(0) = —— =20 15382374 dB
) =-GxT0ex109 =

1 (30x 1076 +107*%)
~ 2 (10X 10715 +20 x 10715 + 50 x 10-15)

= 258.7 MHz

T

Figure 3.8 The R-C loaded MOS amplifier investigated in the example.
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The input conductance for this frequency calculated from (3.11) is

120 x 1071

20 % 1015
T280x10-15 0

i) 80X 1015

(2 x107° + 1 > =0.253 x 10~ siemens
which corresponds to an input resistance of 3.95 kQ! Even for one-tenth of the
pole frequency, the input conductance is still high and can be calculated from (3.9a)
as 4.95uS, which corresponds to an input resistance of 200 kQ.

This example proves that the input conductance of a common-source MOS amplifier
has a frequency-dependent resistive component and this resistance can drop to consid-
erably low values — which influences the output load of the previous stage or the signal
source. It is obvious that especially for high internal impedance signal sources, this
frequency-dependent input conductance of the amplifier has to be taken into account.

Note that the input capacitance of the amplifier is the sum of Cg, Cye and Cyi. In
Fig. 3.7(b) the variation of the Miller capacitance is plotted as a function of w. It shows
that the third component of the input capacitance has a value proportional to g,/G,
that is the magnitude of the Miller capacitance at low frequencies, and is usually high.

For the example given above, the value of the Miller capacitance is
2x1073

— =307.7fF

Cmi(o) = CdggG_rz — 20 X 10715W

and the total input capacitance is
Ci = Cygs + Cyg + Crni = 90 + 20 + 307.7 = 417.7 {F

of which the dominant part is the Miller capacitance. C; capacitively loads the previous
stage (or the driving signal source). This high capacitive load affects the high-
frequency performance of the previous stage and is the main reason for the deterior-
ation of the high-frequency gain of multi-stage amplifiers.

In Fig. 3.9, the PSpice simulation results are shown for the amplifier given in
Fig. 3.8. The transistor is an AMS 0.6 p NMOS device with L=0.6 um, W= 60 pm.
The drain current is 150 pA. Small-signal parameters of this transistor are approxi-
mately equal to the values used in the example. The frequency axes for the magnitude
and phase characteristics (Fig. 3.9(a) and 3.9(b)) are intentionally drawn up to 30 GHz,
to see the effects of the zero of the gain function. The variations of the input admit-
tance and the input capacitance, which is the sum of C,, Cgo and the C,; Miller
capacitance are given in Fig. 3.9(c) and (d). The simulation results reasonably agree
with the values calculated using the analytical expressions.

The source follower amplifier at radio frequencies

As explained in Chapter 2, the source follower is typically used as a buffer to couple
a high internal impedance source to a low impedance load. The simplified circuit
diagram of a source follower is given in Fig. 3.10(a). The load can have any form; a
capacitive (R-C) load, an inductive (R-L) or a tuned (L-C) load. In this section
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Figure 3.9 PSpice simulation results for the circuit shown in Fig. 3.8: (a) the magnitude
characteristic, (b) the phase characteristic of the voltage gain, (c) the variation of the input
conductance and (d) the variation of the input capacitance as a function of frequency. The important
figures of performance are: 4,(0) =23dB, f, = 192MHz, g{(f;) = 230uS, C;(0) = 360 {F.

we will deal with the R-C load only and leave the tuned load case to Chapter 4
(Frequency-selective RF circuits). The small-signal equivalent circuit of an R-C
loaded source follower is given in Fig. 3.10(b), and re-arranged in Fig. 3.10(c)
to ease the solution, where

G = G5+ ggs and C = Cs + Cyp
From Fig. 3.10(c), the output and input voltages can be written as

I+ GmVes

Vo = 7 Vi = Vgs + Vo (3.12)
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Figure 3.10 The source follower amplifier circuit: (a) simplified circuit diagram, (b) small-signal
equivalent circuit and (c) re-arranged equivalent circuit for calculation of gain and input

impedance.

where
Vgs = 1i/5Cgs and ¥ = G + sC
From (3.12) and (3.13) the voltage gain can be solved as

8m +chs
(gm + G) +5(Ces + C)

v

which can also be expressed in terms of the pole and zero frequencies as

_ Cos (s —s0)
T (Ce+C) (s —sp)

where

(gm + G)
(Ces +C)

_&m
Cs

S0 = and s, = —

The low-frequency gain can be seen from (3.14a) to be

__ &nm
4(0)= (gm + G)

(3.13)

(3.14a)

(3.14b)

(3.15)
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Figure 3.11 (a) The voltage gain pole—zero diagram of the R-C loaded source follower. (b) The
magnitude characteristic of the voltage gain with its asymptotes. (c) The approximate phase
characteristic.

which — naturally — fits to (2.24a). The magnitude and phase characteristics of the
amplifier can be obtained from the pole—zero diagram of the gain function (Fig. 3.11).

From Fig. 3.10(c) it can be seen that the input admittance of the source follower
is the sum of the admittance shown with y; and 5Cyg. yi' is i/v;, and i; can be calcu-
lated as

i = (v — VO)ngs =y(l - AV)SCgS

Using the value of A, from (3.14a), the input admittance (Cgy, excluded) in the @
domain can be calculated as

B _ (gm +.]ng5)
i) = (1 (gm + G) +jo(Cg + C)

) joCys = gi +joC; (3.16)

The input conductance, which is the real part of this expression, can be arranged as

O O S )
gi(w) (Cot OF (GCys ng)lJr(wp/w)2 (3.17a)

or
gi(w) = gi(c0) 1 (3.17b)

1+ (wp/w)z
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A careful analysis of these expressions leads to the following important conclusions.

e For an R-C loaded source follower, if GCy > gmC the input conductance is positive
and similar to that of an R-C loaded common-source amplifier; it increases with
frequency.

e In the case of GCy = g1,,C, the input conductance is zero for all frequencies. This is
an important feature and useful for the design of very low input conductance (high
input impedance) amplifiers.

e In the case of GCy < g, C the input conductance of a capacitive-loaded source
follower is negative and this negative conductance increases with frequency. This
property can be used when a negative conductance is needed.' If there is a parasitic
inductance on the gate connection of the transistor, this negative conductance,
together with this inductance and the input capacitance of the transistor, can result
in ringing behavior on the signal, or it can even lead to oscillation. For on-chip
source follower input stages, the inductance of the bonding wire can cause such
ringing or oscillation. In such cases, this negative conductance must be compen-
sated with an appropriate resistance connected in parallel or series to the gate.

The total input capacitance of a source follower can be calculated as the sum of Cgy,
and the capacitance calculated from (3.16) as

/ 2
W0y + @

Cir = Ca + =0

(3.18)
where w,, and wj, are the pole and zero frequencies of the input admittance function.
The pole frequency is equal to the pole frequency of the gain function as given in
(3.15), and the zero frequency is wy, = (G/C). The values of the input capacitance for
low frequencies and for very high frequencies are

CiT(O) = Cdg + (Cgs + C) Ci (OO) = Cdg + C

(gm +G)

The frequency-dependence of the input conductance and the input capacitance of a
source follower for GCys < g, C are plotted in Fig. 3.12(a) and (b), respectively.

In Fig. 3.13(a), the PSpice simulation results are given for different capacitive loads
of a source follower. It is seen that for small capacitive loads the input conductance is
positive, for an appropriate load it is equal to zero for all frequencies, and negative for
higher capacitive loads. Figure 3.13(b) shows the output waveform of this amplifier,
driven by a 50-ohm input resistance square-wave signal source and having a 5nH
series gate inductance (that corresponds to approximately 5 mm long bonding wire).
The observed ringing corresponds to the resonance frequency of the inductance and the
input capacitance of the amplifier.

Source followers usually drive low-impedance loads. In some applications, for
example if the source follower drives a transmission line, the output internal

! See Chapter 4, Example 4.2 for a practical application of this property to increase the quality factor of an
inductor.
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Figure 3.12 Frequency-dependence of (a) the input conductance and (b) the input capacitance of a
source follower for the condition GCy <K g, C Which is usually valid.
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Figure 3.13 (a) The frequency-dependence of the input conductance of a source follower for
different load capacitance values for (A) 20 fF, (B) 80 fF, (C) 200 fF and (D) 1pF. (b) The
waveform of the output voltage for a square-wave input signal with an L =35 nH inductor in
series to the gate and 200 fF source load capacitance, with the internal resistance of the pulse
source being 50 Q. (The transistor is an AMS 0.35 p NMOS device with W=235um
L=0.35pum. Ry, =100 0hm and I, =300pA.)

impedance must keep a pre-defined value in a wide frequency range in order to
maintain a perfect matching for optimum power transfer and to prevent reflections.
Therefore, the behavior of the output impedance (or admittance) at high frequencies
has to be investigated.

The simplified schematic and the high-frequency small-signal equivalent circuit of a
source follower to calculate the output impedance (or admittance) are given in
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Figure 3.14 (a) The conceptual arrangement to calculate the output impedance of the circuit.
(b) The equivalent circuit of the source follower amplifier used for the calculation of output
impedance (admittance). (¢) Simplified equivalent circuit.

Fig. 3.14(a) and (b). It is assumed that the internal impedance of the signal source
driving the input is resistive and is shown with R,. A current source (i,) is connected to
the output port to find the output internal admittance,” and the voltage of this port will
be calculated. It can be easily seen that the parallel components r, and C,, can be
excluded to ease the calculation (Fig. 3.14(c)), and then re-included.” The output
admittance of the reduced circuit can now be calculated as

y, _ i _ (Gg +SCdg)(gm +SCgs) (3 19)
°T v Gy +5(Cyg + Ces)

This admittance function has two zeros and one pole described as

Gy &m G,
So1 = Sop = Sp = (Cox + Co) (3.20)
and the low-frequency value of the output admittance is equal to g,,, as already shown
in Chapter 2.

The frequency characteristic of y/ depends on the relative positions of the zeros and
the pole. It is obvious that s4; > s, and the position of sy, depends on the value of g,. In
Fig. 3.15 the pole-zero diagram and the frequency characteristics of Iy, corresponding
to Isgil > I'sgol > I'spl are shown. It can be seen that, under appropriate conditions, there

2 For the sake of simplicity of the calculations, the output admittance is preferred.
3 It will be seen later that the admittance corresponding to these components is very small compared to the
admittance of the reduced circuit, consequently, it is negligible.
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Figure 3.15 (a) The pole—zero diagram of )/ of a source follower. (b) The corresponding
frequency characteristic.
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Figure 3.16 (a) The simulated source follower. (b) The output conductance of the follower (A)
without pole-zero cancellation and (B) with pole-zero cancellation. The transistor is an AMS
0.35 micron NMOS transistor with W=35 um, L=0.35 um and I =0.7 mA. The value of the
driving signal source internal resistance is 10 kQ for (A) and 1 kQ for (B).

is a possibility of pole—zero cancellation. For example, if Ispl =Is,| they cancel each
other and the output conductance remains constant up to the frequency corresponding to
So1- In Fig. 3.16, the PSpice simulation results for a source follower are shown, without
and with pole—zero cancellation.

The common-gate amplifier at high frequencies

The schematic diagram and the small-signal equivalent circuit of a common-gate
amplifier are given in Fig. 3.17(a) and (b). Similar to the previously investigated
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Figure 3.17 (a) The circuit schematic of the common-gate amplifier. (b) The small-signal
equivalent circuit of the common-gate amplifier. (c) Equivalent circuit with R-C load.

common-source and source follower circuit, the investigation of the case of tuned
load will be left to Chapter 4. For an R-C (or G-C) load, the equivalent circuit is
given in Fig. 3.17(c), with a Norton-Thévenin transformation to ease the solution,
where

YL =Gy +sCL YIL =Y —|—SCdg = GL —|—S(CL + Cdg) =GL —|—SC£
From Fig. 3.17(c), the voltage gain of the amplifier can be solved as

_ Vo _ 8nt&ss 1

A, = —
WG Gos)

(3.21)
where the pole of the gain function that corresponds to the 3dB frequency (or
bandwidth) of the amplifier is

__GL + 8ds

= (3.22)

Using (3.21) and (3.22), the low-frequency gain and the gain—bandwidth product
can be calculated as

8Em + &ds 8Em
Ay(0) = = 3.23
V( ) GL + 8ds GL + 8ds ( )

and

1 gm
GBW = —=— 3.24
2n CY (3.24)

which is equal to that of the common-source amplifier.
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Figure 3.18 (a) The pole-zero diagram, and (b) the frequency characteristic of the input
admittance of a common-gate amplifier.

Although the magnitudes of the voltage gain and the gain—bandwidth product of
common-source and common-gate amplifiers are equal, there are significant differ-
ences between their input and output admittances.

The input admittance of a common-gate amplifier can be calculated from Fig. 3.17(c),
as the sum of sCy and y;':

_ SCyCp + 5[Cos(gas + GL) + Cp (8m + 8as)] + G (gm + 8as)
‘ (gas + Gu) +5Cf

(3.25a)

which can be simplified for Cgs(gds+GL)<Cﬁ(gm+ gqs) and ggs<gm, that are
usually valid:

(S — Sol)(S — S()z)

- S2Cg5C£ + ngC£ + GLgm

i = Cgs 3.25b
R P CY e R R F R
where
GL + 8ds Em GL
- _ s 2 — 2 ~ 3.26
Sp o) o E o e (3.26)

The pole—zero diagram and the variation of the magnitude of the input admittance with
frequency are shown in Fig. 3.18.
From Fig. 3.18(b) we can see that:

o the magnitude of the input admittance is constant (i.e. the input admittance itself is a
real quantity) up to the vicinity of wg, = G1/Cy’ (which is approximately equal to the
3 dB frequency of the voltage gain);

o if G| > gy, the magnitude of the input admittance for low frequencies (also up to
the vicinity of the 3 dB frequency of the amplifier) is equal to the transconductance
of the transistor. Since g, is usually of the order of several mS, this means that the
common-gate circuit is a low-input impedance amplifier.

The output admittance (y,) of a common-gate amplifier will be calculated from
Fig. 3.19(a), as the sum of sCy, and y,:
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Figure 3.19 (a) The small-signal equivalent circuit of the common-gate amplifier used for
calculation of output admittance. (b) Frequency characteristic of the output admittance.

i/ !
p_ o 1s—s5
yoi -

Vo  FdsS —S

(3.27a)

/
p

where

R
and §. = — I+ 25 (1 + gmras)

/
Sg = —
’ RyCls ’ RyCs

(3.27b)

and obviously the magnitude of the zero is smaller than that of the pole. The mag-
nitude of the output admittance for zero frequency (as well as for low frequencies) is

1
'(0) =
yO( ) rds(l +ngg) + Rg

(3.28)

The frequency characteristic of y/ with its asymptotes is given in Fig. 3.19(b). From
(3.28) and (3.27a) we can conclude that

e the output resistance, r, = 1/Re(y,) = 1/Re(y,) of a common-gate amplifier can have
very high values for high driving-source internal resistance and high transconduc-
tance values; in other words the output acts as an — almost — ideal current source;

e the frequency corresponding to r,Cgq, may dominate over the zero of y, and
determines the corner frequency of y,;

e since a common-gate stage has a low input impedance and a high output impedance,
and the output current is equal to the input current, it can be considered as a unity
gain — almost — ideal current amplifier, and can be used as an intermediate stage to
transfer efficiently the current of a moderate (not too high, not too low) internal
impedance current source to the load.

If we evaluate the already investigated properties of a common-gate stage; namely
its low input impedance, its very high output internal impedance and its unity current
gain, we can conclude that it is suitable to be used as a transimpedance amplifier. In
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Figure 3.20 (a) Example of a common-gate transimpedance amplifier, (b) PSpice simulation
results showing the frequency characteristics for 1 k ohm (A) and 500 ohm (B) load resistance.
The transistor is an AMS 0.35 p NMOS device with L=0.35pm, W= 10 pm.

Fig. 3.20, the schematic diagram and the PSpice simulation results of a common-gate
transimpedance amplifier are given. The current signal source and the parallel
capacitance represent the input signal source, for example a photodiode. The low-
frequency value of the transimpedance is equal to the load resistance. The 40 dB/
decade slope of the frequency response indicates that there are two poles in the high-
frequency region, apparently one from the input resistance, which is approximately
equal to 1/g,,, and the total capacitance parallel to the input, and the other one from the
output side, and equal to 1/R; Cg4,. The magnitude of the transimpedance at low fre-
quencies, and the 3 dB frequency for a load of R, =1 kohm and R} =500 ohm, are
1k ohm/5.8 GHz and 500 ohm/6.72 GHz, respectively.”

The “cascode” amplifier

We have seen that two of the basic one-transistor amplifiers, namely the common-
source amplifier and the common-gate amplifier, provide high voltage gain. But both
of them have severe drawbacks. Owing to the output-to-input (drain-to-gate) capaci-
tance and the Miller effect, the input admittance of a common-source amplifier
deteriorates (increases) at high frequencies. The input admittance of a common-gate

* These figures indicated the “intrinsic” bandwidth of the amplifier (i.e. with no external load capacitance).
In the case of an external load capacitance, the pole related to the output becomes 1/Ry (Cyq,+Cy) and
dominates the frequency response.
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Figure 3.21 (a) The circuit schematic of a cascode amplifier and (b) its small-signal equivalent
circuit.

amplifier is inherently small, therefore is not suitable to be used as an efficient voltage
amplifier, especially if the signal source has high internal impedance.

The solution is the so-called “cascode” amplifier” that provides low output-to-input
feedback, high input impedance and high voltage gain. In a cascode amplifier a
common-source amplifier and a common-gate amplifier are combined in such a way
that the common-source stage is loaded with the input of the common-gate amplifier
(Fig. 3.21(a)).

The load is connected to the output of the common-gate stage. The basic operation
principles are as follows.

e Since the input conductance of the common-gate stage is approximately equal to
1/gm2, the voltage gain of the input (common-source) stage is Ay =2 —(gm1/&m2),
which is small in magnitude and equal to unity for g,,; = gm> (and close to unity for
many cases). Consequently the Miller admittance is small and equal to sCgy, up to
the pole frequency of the voltage gain (see Expression (3.3)). This means that the

5 The cascode configuration was used in early days of vacuum tube amplifiers to overcome the high plate-
to-grid capacitance of triodes. The term was used for the first time in 1939 [27].
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high input capacitance and high input conductance problems arising from the Miller
effect are effectively eliminated.

e Consequently the input admittance is low (the input impedance is high) in a broader
frequency range.

e Since the common-gate stage is driven by a high-impedance signal source; namely
the output impedance of the common-source stage, the output internal impedance of
the circuit is very high.

e Since the current gain of the common-gate circuit is equal to unity, the output current
of the common-source stage is directly transferred to the load through the common-
gate stage. Therefore, the overall voltage gain of the circuit is equal to the gain of the
first stage, as if the load were directly connected to the output M1.

To investigate the properties of a cascode amplifier for a capacitive load in detail,
the small-signal equivalent circuit shown in Fig. 3.21(b) will be used.
According to (3.25a), the input admittance of M2, which is the load of M1, is

(s = So1) (s — s02)

n=C 3.29
Vi2 gs2 (S — Sp) ( )
where
GL + gas2 gm2 GL
Sp = ————"—  §g] = — S 2 ——~ 3.30
Sp C,L S01 Cgs2 S02 C,L ( )
From (3.3), the voltage gain of M1 loaded with y;, can be written as
m1 — SC, —
dgy = —Em =5Ca o (5= son) (3.31)
Yi2 Yi2
where, 5911 = — gmi/Cqgi- Combining (3.31) and (3.29) and re-naming the poles and
zeros of Ay to prevent any confusion, we obtain
Cyo1 (5 — 5 — 5
Ay = — agl (s S?l)(s 9?2) (3.32)
Coo2 (s — Spl)(s - sz)
where
Shy = son = — 2L
01 Cdgl
o GLtgue
So2 = Sp = _C—L
s;l =501 &= — Em2
CgsZ
ro_ ~ L
Spp = S02 = e (3.33a)
According to (3.21), the voltage gain of the common-gate stage, M2, is
m 1 m 1
Ay =20 -8 2 + 8ds2 o Em2 (3.34)

Vg2 CL (s=sp3)  CL(s—sp3)
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where

G
sy = —% (3.34b)
L

Now the overall voltage gain of the cascode circuit can be written as

Cagi gma (s —61)(s — 5¢5)

Av = Avl ’AVZ = - (3353)
Co C (s — 51,31)(5 - S;Jz)(s - 51,33)
Noting that so," = sp3’, the gain expression (3.35a) can be simplified as
Cagi gm2 (5 —spp)
A, =272 T 027 (3.35b)
' Cor CL (s — S;n)(s - 5;2)
This expression can be interpreted as follows.
e The low-frequency value of the gain is
C m -5 m
4,(0) = — dgl 8m2 (—s01) _ _8ml (3.36)

Cor CL (_5131)(_5;2) GL

If we compare this expression with (3.5), we can see that the low-frequency gain of
a cascode circuit is greater than the gain of M1 would be if it were directly loaded
with Y, L.

AV(O)cascode -1 _|_gd51

A,(0) GL

c.source

This is the result of the very high output internal resistance of the common-gate
stage, since it is driven by a high-impedance source (the output of the common-
source stage).

e To evaluate the high-frequency performance of the circuit it is useful to compare the
zero and the poles of (3.352):

Y 8Eml
01 — 201l — — &
Cdgl
s = s o — Em2
1 — 901 = —

P Cgs2
GL

/ ~Y

S, =80 =2 ——

p2 !
CL

Since the zero is negative and obviously very high in magnitude compared to the
magnitudes of s;; and s, its effect on the magnitude and phase of the gain is
usually negligible. There are two poles affecting the magnitude and phase of the
gain at high frequencies. Provided that Isp;l > Isjol, the 3 dB frequency of the
cascode circuit approaches to that of the simple common-source amplifier having
the same output load:

Saap = (3.37)

L
2nC|
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and the voltage-gain—bandwidth product becomes

gml

GBW =~
27Cy

(3.38)

which is equal to that of a common-source amplifier.

e If the magnitudes of s;,; and s/, are comparable, the high-frequency roll-off occurs
earlier and at the 3 dB frequency the phase shift exceeds n/4. It means that owing to
the additional pole corresponding to the input R-C of M2, the high-frequency
performance of the cascode circuit deteriorates and the voltage-gain—bandwidth
product decreases.

The CMOS inverter as a transimpedance amplifier

In Section 2.2, it was mentioned that a CMOS inverter containing a feedback resistor
connected between the output and input nodes is suitable to be used as a transimpe-
dance amplifier. The schematic diagram, the small-signal equivalent circuit and the
modified equivalent circuit after the application of the Miller transformation are given
in Fig. 3.22, where g, and gq4s represent the sums of the corresponding parameters of
M1 and M2 and C; and C, the total parallel capacitance to the input and output nodes,
respectively. As explained earlier, the resistance connected between the output and
input nodes helps to improve the stability of the operating point. But there is an
unavoidable capacitance, namely the sum of the Cgy, of M1 and M2, which is parallel
to this resistor. During the analysis it will be assumed that there is a capacitance (Cy)

+Vpp v
F

— : g

YF B EmYi
 — T+ i Ct) Vi ={= gs 8ds YL Yo

I Vi | M1 YL Vo
Vg === (b)
— YL
(a) —
T

YF EmVi gds Y, F T

i® v

/]

Y =G+ sCy,

j’i=0’i+5€‘i) (gm*{F)
(Yp-11)

(©

Figure 3.22 (a) The CMOS inverter as a transimpedance amplifier: the input signal is i; (current)
and the output signal is v, (voltage). (b) The small-signal equivalent circuit. (c) The equivalent
circuit after Miller transformation.
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parallel to the feedback resistor, equal to the sum of the total drain—gate capacitance,
the parasitic capacitance and the parallel external capacitance (if there is any).
From Fig. 3.22(c) the transimpedance can be calculated as
(gm - ¥ F)

I = — — = — 3.39
Ye(8m +3i) + YL (i + Yr) (3.39)

and arranged in the s domain as

SCF - (gm - GF)

Zm - B — — —
$7(CiCy + CiCr 4 CoCr) + s[Cr(gi + gds + &m) + Ci(gas + Gr) + Co(gi + Gr)]

+[Gr(gi + &us + &m) + &i&as]
This expression can be simplified as

SCF - (gm - GF)

Zm - - - -
52Co(Ci + Cr) + s[8as(Cr + Ci) 4+ Gr(Ci + Co) + (8nCr)] + Gr(8ds + &m)

1%

(3.40)
The low-frequency value of the transimpedance (the transresistance) is

_ (&m — G¥)

GF (gds + gm)
and reduces to (1/Gg) for g4s, Gy < gm, as already shown in Chapter 2.

The frequency characteristic of the amplifier depends on the relative positions of the
zero and the two poles of this gain function. To investigate the possibilities, it is
convenient to write the expression in a closed form as

s.D+E
2. A+sB+C

Zn(0) =

Zin

The gain function has a positive-real zero:

E (gm - GF)
, === 41
s D G (3.41)

The poles can be solved as the roots of the quadratic nominator:

B 44C
Sp1’p2 = ﬁ <— 1 + 1— B2> (342)
These roots are:
. 44C
(a) two separate negative-real poles for B—<1
(b) two equal negative-real poles for —=1

(c) one complex-conjugate pair for 7 >1 (3.43)
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Figure 3.23 Possible pole—zero diagrams and the corresponding frequency characteristics (the
magnitude of the zero is assumed much higher than the magnitude of the poles).

In Fig. 3.23, the pole—zero positioning for these cases and the corresponding shapes
of the frequency characteristics are shown. The important points related to these three
cases will be briefly discussed below.

(a) Two separate negative-real poles
In this case, provided that the two poles are sufficiently apart from each other and
the right half-plane zero is far away, the 3 dB frequency is determined by the
dominant pole, the slope of the magnitude curve is —20 dB/decade and the phase
shift of the output signal does not exceed 7/2, up to the vicinity of the second pole.
It is known from feedback theory that, if this amplifier is in a negative feedback
loop, one of the poles must dominate to guarantee the stability, i.e. the first pole
frequency must be sufficiently smaller in magnitude than the second one. It can be
shown that if the gain of an amplifier (A,) is reduced to A¢ by negative feedback, in
order to have a flat final frequency response,
@ Ao

>——1
wplfA
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must be satisfied, where w;,; and @y, are the frequencies corresponding to the
poles of the no-feedback (or open-loop) gain of the amplifier (see Chapter 4). It
means that in the case of a strong negative feedback, to reduce the gain sub-
stantially, the magnitude of one of the poles must be much smaller than the other.
For such a case 4AC /B*> < and (3.42) can be written as

_B 144C
Spl,pZZQ —1:F I—EF

sp1 = —— (lower frequency “dominant” pole)

sp2 = —— (higher frequency “far” pole)

ENIIi- e

The values of these poles in terms of the circuit parameters can be calculated as

Gr(8as + 8m) 1
Spl = T Cola - oRe =G . (3.44)
F(gds + gm) + CoGF Gr + Gotan)
CF (gds + gm) + GFCO (gds + gm) GF
= - =—|—+ = 3.45
2 CoCr & o) B

(b) Two equal negative-real poles (double-poles)

In this case, the drop of the gain is 6 dB at the frequency corresponding to the
double-pole® and the slope of the decrease is 40 dB/decade. This configuration is
apparently not suitable to be used in a feedback loop, but can be used as a flat
frequency response wide-band amplifier stage suitable to give a rail-to-rail output
voltage.

Inserting the circuit parameters into (3.43(b)), the condition to obtain such a
frequency characteristic and the magnitude of the frequency corresponding to the
pole can be solved as

Gr
’ (8ds + 8&m)
B g’ds(CF + Cl) + GrC, +ngF
= = 3.47
T 2A 2C,(C; + Cy) (3.47)

(c) Complex-conjugate poles
The pole—zero diagram of an amplifier having two complex-conjugate poles and a
positive-real zero is shown in Fig. 3.23(c). From network theory it is known that
the shape of the frequency response depends on the 6 angle. For 6 > /4 (or
E=cos 0§ < 0.707) the frequency characteristic exhibits a peak, and the 3 dB
frequency slightly increases (Fig. 3.24(a)). The response of the amplifier to a step input
signal correspondingly exhibits an over-shoot that also increases with 0 (Fig. 3.24(b)),

¢ The 3 dB frequency of a multiple-pole amplifier can be calculated as w3qs = wp V21" — 1, where n is the
number of the coincident poles. In the case of n =2, w3 =0.614 w,,.
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Figure 3.24 (a) The normalized frequency responses and (b) the normalized step responses for
different values of 6. Curves A to E correspond to 6 = 80, 70, 60, 45 and 0 degrees, respectively.
(w3 = CJA. Curves are drawn for w,/wo= 10. Note the decrease of the slope owing to the zero.)

and is considered harmful for many applications. The effects of the positioning of
the complex-conjugate poles of an amplifier are investigated in several electronics
textbooks in detail, and can be easily adapted to this case, whenever necessary.

Example 3.2 A transimpedance amplifier will be designed with a low-frequency
“gain” of 2000 ohm (66 dBQ), flat up to 1 GHz, delivering a rail-to rail output voltage
swing to a Cp=1 pF external capacitive load. The internal impedance of the driving
current signal source is 10 kohm parallel to 50fF (the output impedance of the
previous stage). The design will be made using the AMS 0.35 micron CMOS tech-
nology parameters. As one of the candidate configurations, we will design a CMOS
inverter type circuit. Since any peaking on the frequency response (any over-shoot on
the pulse response) is not acceptable, a double-pole solution is targeted. The design
will be made using the expressions derived in this section, and then fine-tuned with
PSpice.

The circuit diagram is as shown in Fig. 3.25. The input capacitance (C;) in the
expressions is the sum of the signal source internal capacitance (which is given as
50fF) and the gate—source capacitances of the transistors (which are not known yet).
Similarly, the output capacitance (C,) is the sum of the load capacitance (which is
given as 1 pF) and the junction capacitances of the transistors (which are not known).
The only known component is Gg, which is approximately equal to 1/Z,(0)=
0.5 mS. Another aspect that must be kept in mind is that the width of the PMOS
transistor must be approximately (uno/itpo) times bigger than that of the NMOS tran-
sistor (see Chapter 2). This ratio is 475.8/137=3.5 for AMS 0.35 micron
CMOS technology (see Appendix A).

For maximum high-frequency performance, the gate lengths of both transistors will
be chosen as 0.35 um.
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Figure 3.25 The circuit diagram of the transimpedance amplifier to be designed.

To estimate the dimensions of the transistors, expressions (3.46) and (3.47) can be
used. If we insert (3.46) into (3.47) and make some simplifications assuming that
Cr < C; and g4s < gm Z (both being realistic), we obtain

o~ gds %
P =36 C

(3.48)

The bandwidth (3 dB frequency) was given as 1 GHz. Since the amplifier has a
double-pole, the frequency corresponding to the pole is f, =1 GHz/0.614 = 1.628 GHz,
or w,=2m 1.628x10°22 10" rad/s. But since all parameters — except Gg — are
geometry dependent, (3.48) does not lead to the solution.

Another attack point is to consider the slew-rate. The rise-time of a 1 GHz band-
width amplifier is approximately 7, = 0.35/fsq5 = 0.35/10° = 0.35 ns (Chapter 2). For a
rail-to-rail output step, the PMOS transistor that acts as a current source must be
capable of charging the total load capacitance up to Vpp=1.5 V in 0.35 ns:

drv 1.5

Ih=Coor=Cyo ™
F dr 0.35 x 109

(3.49)

C, is the sum of the external load capacitance (1 pF) and the total parasitic capaci-
tance of the output node. This parasitic capacitance can be calculated (see Appendix 1)
in terms of the widths of the transistors as

Cipp(0) = 0.8Wp + 0.5(X + Wp) = 1.3Wp [fF, Wy in pm]

and the total parasitic capacitance’

Cipr(0) =2 1.3(Wx + Wp) = 1.3(1 +3.5) Wy = 5.85Wy [fF, Wy in um]

7 This is the maximum (pessimistic) value of the parasitic capacitance, since it corresponds to the zero bias
voltage on the drain junctions. In reality the junction is reverse-biased and the parasitic capacitance is
correspondingly smaller.
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Now we can make an estimation for the total output capacitance and take C, = 1.2 pF,
which corresponds to Wy =34 micron (which must be checked later on).
Now from (3.49), Ipp can be calculated as

1.5
0.35x 10?

This is the drain current of the PMOS which flows under a gate voltage equal to —Vpp
(-1.5 V). Now the gate width of the PMOS transistor can be calculated:

[Ipp| = 1.2 x 1072 =5.14%x107° =5.14mA

1
[Ipp| = 2,up ox ( Voo — VTP) (1+ 4pVpD)

1
5.14x103_§137(456x10‘7) (=1.540.7)*(1+0.2x1.5)
Wp =2 70 um

The corresponding NMOS transistor channel width to conduct the same current under
quiescent conditions can be calculated from (2.14) as W= 15 um.

We know that the hand-calculated current values corresponding to a certain bias
condition are usually higher than the currents in reality. Therefore it is necessary to
check the drain currents with DC simulations and fine-tune to the target values and
adjust the quiescent voltage of the output node, as performed in Example 4.3. The
PSpice simulation shows that the drain currents for the calculated channel widths are
1.93mA, which is considerably smaller than the 5.14 mA target value. A tuning
procedure as described before gives Wi =45um and W, =154 pm. Hence, the DC
currents become equal to the target value and the DC voltage of the output node
becomes zero (i.e. no offset).

Now, as a final step, the value of Ck can be calculated from (3.46). But before this
step, C,, gm and gqs must be derived.

The output parasitic capacitance, which is the sum of the junction capacitances of
the drain regions, can be found for the calculated dimensions as:

Cipr(0) = 5.85Wyn = 5.85 x 45 2263 {fF C, = Cp + Cjpr = 1.263 {F

Zm is the sum of the transconductances and can be calculated as

/4 /%
gm = &uN + &mp = \/271ﬂncox1D + \/2Tz,upcox]D =21.1mS

Zas 1s the sum of the output conductances of the transistors:
8as 2 In(In + Ap) = 5.14 x 1073(0.073 + 0.2) = 1.4mS
Now the value of Cg can be calculated from (3.46):

0.5x 1073
22.6x 103

It must be noted that the sum of the drain-to-source capacitances is the intrinsic
component of Cg. If we calculate (Cyen+Cgep) We find that

(CdgN + Cdgp) = (WN + WP)CDGO = (45 + 154)0.12 =239f{F

Cr =1.263 = 0.028 pF = 18 {F
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Figure 3.26 (a) Frequency response, (b) pulse response of the designed transimpedance amplifier.

This means that owing to the intrinsic C, the circuit is slightly over-compensated. The
PSpice simulation results with the calculated design parameters are given in Fig. 3.26.
Obviously there are certain discrepancies from the target values. Let us interpret the
results and obtain hints for the further fine-tuning of the design.

From the frequency characteristic given in Fig. 3.26(a), we see the following.

(a) The low-frequency gain is 65.2 dBQ. If this 0.8 dBQ discrepancy is not tolerable,
R can be increased to reach the target value. But (3.48) tells us that the increase of
R decreases the pole frequency, and consequently the 3 dB frequency.

(b) The 3 dB frequency is 1.05 GHz, but there is a 1.7 dB peak, which may not be
acceptable for some applications. To decrease the peaking, Cr must be increased
(see (3.40) and (3.43)). Indeed, if we use a feedback capacitor equal to Cr =50 fF,
the peak disappears, the response becomes flat, but the 3 dB frequency decreases to
795 MHz. To increase the 3 dB frequency, according to (3.48) Rg must be
decreased. Observations in (a) and (b) indicate that there is a trade-off problem.

(c) If the magnitude of the gain has the prime importance, the gain can be increased to
the target value with Rr=2.2kQ. The frequency response is flat and the 3dB
frequency is 764 MHz for Cr = 45f{F, has 1 dB peak and 935 MHz bandwidth for
Cr = 12 fF.

(d) If a flat frequency response with 1 GHz bandwidth has prime importance, this can
be obtained at the price of gain decrease. For Rg=1.2 kQ and Cg = 60 {F, the gain
is 60.6 dBQ and the 3dB frequency is 1.004 GHz, with 0.2 dB peak, which is
acceptable for many applications.

(e) If both the bandwidth and the gain conditions have to be fulfilled without any
compromise from the original specifications, the DC current must be increased or
the circuit must be designed using an alternative technology with smaller feature
sizes to decrease the parasitic capacitances.
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(f) The pulse response given in Fig. 3.26(b) shows that the circuit has no slew-rate
limitation for the original design (the rise-time is 0.35 ns) and reasonably nice
wave shape. The PSpice netlist for the original design is given below.

*AMS-035u INVERTER TRANSIMPEDANCE AMPLIFIER*

vdd 100 1.5

vss 200 -1.5

cin 2 0 50f

rin 2 0 10k

*iin 0 2 pulse —1m Im 1n 10p 10p 5n 12n

iin 0 2 ac 1lu

M1 32 20 20 modn w=45U 1=.35U, ad=38.2e-12 as=38.2e-12, pd=90e-6,
ps=90e-6

M2 321010 modp w=154U 1=.35U, ad=131le-12 as=131e-12, pd=308e-6,
ps=308e-6

RF2 3 2 2k

*vx 300

*cf 32 15fF

CL301P

.1lib “cmos7tm.mod”

.ac dec 50 .01g 3G

.DC iin —1m 1m 10u

.TRAN .01N 15N

.probe

.end

MOS transistor with source degeneration at high frequencies

In Section 2.1, we saw that a resistor in series to the source terminal of a MOS
transistor decreases the transconductance to so-called “effective transconductance”. It
is useful to generalize this effect for an impedance placed in series with the source
terminal and to deal not only with the transconductance, but with all of the y par-
ameters. In Fig. 3.27(a), a MOS transistor is shown, together with the impedance (the
source degeneration impedance) connected in series to the source, which can be
external, or the parasitic (internal) impedance of the transistor. Now we will calculate
the y parameters of the “equivalent transistor” M, shown in Fig. 3.27(b), in terms of
the small-signal parameters of M and its source impedance, Z,. For the sake of the
simplicity of the derivations, Cy, Will be excluded from the y-parameter calculations,
and it can be re-inserted whenever necessary."

The y;; and y,, parameters, both defined under shorted output conditions, can be
solved from Fig. 3.28(a):

8 Hint: the total equivalent y parameters of two parallel connected two-ports correspond to the sums of the y
parameters of the individual two-ports.
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Figure 3.27 (a) A MOS transistor with source degeneration impedance. (b) The equivalent
transistor.
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Figure 3.28 Small-signal equivalent circuits used to derive expressions (a) for y;; and y,;, (b) for
Y12 and yn.

5Cgs
o 3.50
Y 1+(gm+SCgs)Zs ( )
o 1 (3.51)
y21 - gm 1 +ganS ’

Similarly, the y;, and y,, parameters, both defined under shorted input conditions,
can be derived from Fig. 3.28(b):

chsgds
x> 3.52
= SCgs + Y5+ gm ( )
yp e —EE (3.53)

1+ (sCinj%Ys)

These expressions are valid for any type of source degeneration impedance. For an
inductance (Lg) connected in series to the source, e.g. as shown in Fig. 3.29 (assuming
that the effect of y;, is negligible), the input admittance can be written as
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5Cqs

1 + (gm + 5Cgs)SLs

Yin =11 =

1 1 + (gm + $Cgs)SLs 1 gmLs
Zin = — = = +
Yin SCgs SCgs Cgs

+ sLs (3.54)

which represents a series combination of Cy, Ls and a frequency-independent resistive
component. For a specified frequency, the capacitive component can be eliminated by
resonance with an appropriate inductance connected in series to the gate. This is a
useful possibility for the design of resistive, low-input impedance circuits like LNAs,
which will be investigated in Chapter 4 in further detail.

Problem 3.1 The circuit shown in Fig. 3.29(a) will be used as the input stage of an
amplifier operating at 2 GHz. The parameters of the transistor are given as: u= 300
em?/V.s, Tox=6 nm, CDGO=12x10""" F/m, L=0.25 and W=>50 um. The tran-
sistor is operating in saturation and biased for In=2 mA. The quality factors of
inductors on the chip are Q =10 at 2 GHz.

(a) Calculate the transconductance of the transistor.

(b) Calculate the value of the input capacitance of the transistor.

(c) To make the real part of the input impedance equal to 100 ohms, calculate the
inductance of the inductor.

(d) Calculate the value of the imaginary part of the input impedance and the value of
the corresponding reactive element.

(e) Calculate the value of the reactance to be connected in series to the gate to make
the input impedance pure resistive.

— 2
Ly= (02Cy)-L,

yA

n

Tin= gmLs/Cgs @w()
(a) (b)

Figure 3.29 (a) Inductive source degeneration. (b) Arrangement to obtain a resistive and small
input impedance for a certain frequency.
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Figure 3.30 (a) Circuit diagram of a differentially driven long tailed pair. (b) Circuit with the
equivalent individual single-ended input signals.

High-frequency behavior of differential amplifiers

In Chapter 2 we have seen that several varieties of differential amplifiers were
developed over time. In this section we will investigate the frequency-dependent
behavior of the three most important and basic differential amplifier configurations;
the R-C loaded long tailed pair, the fully differential active loaded pair and the active
current mirror loaded differential input—single ended output long tailed pair.

The R-C loaded long tailed pair

The circuit diagram of a long tailed pair loaded with equal impedances is given in
Fig. 3.30(a). The transistors M and M’ are matched devices, therefore all corres-
ponding parameters are assumed to be equal. The admittance Yt represents the internal
admittance of the tail DC current source. The circuit is differentially driven by a
voltage source, v;. Owing to the complete symmetry of the circuit, the two inputs
are assumed to be driven by v;/2 and — v;/2, respectively (see Chapter 2), as shown in
Fig. 3.30(b). The individual output voltages of M and M’ are shown by v, and v.
Therefore the differential output voltage i voq = (Vo — v3).

The small-signal equivalent of the circuit is given in Fig. 3.31(a). Since the signal
voltage on the common-source node is zero owing to the symmetry of the circuit, it is
possible to deal with each of the symmetrical halves separately, as shown in Fig. 3.31(b).
In Fig. 3.31(c) this equivalent circuit is re-drawn to facilitate the network equations.”’

From Fig. 3.31(c) the output voltage and the voltage gain from one of the inputs to
the output of the corresponding transistor can be easily written as

° Note that Cy is excluded from Fig. 3.31(b) since it is parallel to a voltage source.
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Figure 3.31 (a) The small-signal equivalent circuit. (b) Simplification based on the symmetry of
the circuit. (c) The equivalent circuit after a Norton—-Thévenin conversion.

Vi 1
Vo = 5 (Scdg - gm) W
Vo 1
Ay = = (sC4g — &m) = 3.55
i/2) (sCag — &m) Y (3.55)
For an R-C load as Y; =Gy +sCy, , Yf: becomes
Y] = (GL + sCL) + gas
Y]/_/ = YI: +SCdg e (GL +gds) +S(CL + Cdg)
and the voltage gain
C — &m
A, = (sCaz — gm) (3.56)
(GL + gas) +s(CL + Cop)
which can be written in terms of its pole and zero as
Cq (s —s0)
A, = £ 3.57
TG G ) 537
where
G
Sp = _ (G +8w) and s = + 2™ (3.58)

(CL + Cdg) Cdg
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and the low-frequency gain becomes

Cdg —S0 8m
4,0)=—-"—X —=—— >
0 (CL+Cag)  —5p (GL + gas)

as expected (see Chapter 2). It is obvious that if series (and equal) resistors are
connected to the sources to improve the linearity as mentioned in Chapter 2, g,e¢ must
be used instead of g,, in the gain expressions.

Expression (3.57) is the voltage gain from the input of M which is driven by (v,/2)
to its output. Similarly, the voltage gain of M’ is

r Vi) _ Cdg (S _ SO)
4, = —(1/2)  (CL+ Cyg) (5 — sp) (3.59)

Now the voltage gain from the differential input (v;) to the differential output can be
written as

_M:@: Cdg (S_SO)
Avad = (vi/2) = (=vi/2)  vi  (CL+ Cag) (s —sp) (3.60)

Expression (3.60) indicates that:

e an R-C loaded long tailed pair has a pole that is determined by the capacitance and
the total equivalent conductance parallel to each output node. The frequency cor-
responding to this pole is the 3 dB frequency of the voltage gain:

1 (GL + gds)

J3dB :Em (3.61)

e it must be noted the drain junction capacitances (Cy;) are parallel to the external
load capacitances (Cy). For small external load capacitances, Cy; must be taken into
account and the effective load capacitance must be calculated as Cp, + Cyg +Cyj;

e the gain function has a positive zero at very high frequencies. The magnitude of this
zero can be calculated as

_gm 1 Co
Cag L Cpco

S0 (VGS — VT) (362)
which is independent of the gate width. For example, with AMS 0.35 micron
technology and 0.1 V gate overdrive, (3.62) gives the frequency corresponding to
this pole as 82.2 GHz, which is too high to be taken into account.

As a by-product of these calculations, the signal current flowing through the
total load admittance of one of the transistors, which is nothing else but the current of
the voltage-controlled current source in the small-signal equivalent circuit, can be
written as

is = —Vo[(GL + gas) + 5(CL + Cyy)] (3.63a)
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From (3.56) and (3.63a), i5 can be solved and simplified as

is = —(vi/2)Cyg(s — s0) (3.63b)
This current can be assumed constant (frequency-independent) and equal to
is = iy(0) = % @ (3.63¢)

since for all practical cases w < wq. This knowledge is valuable and will be used for the
investigation of current-mirror loaded circuits. It is also useful to note that for arbitrary
loads — for example RLC (tuned) loads — the output voltage can be calculated simply
as v, = —IiZ;.

The fully differential, current-mirror loaded amplifier

As already discussed in Chapter 2, one of the most important versions of differential
amplifiers is the fully differential, current-mirror loaded amplifier shown in Fig. 3.32.
The circuit can be considered either as a voltage amplifier when loaded with equal
impedances, or as a transconductance (transadmittance) amplifier when loaded with
impedances sufficiently smaller than the output internal impedance (see Chapter 2).

The DC operation of the circuit was investigated in Chapter 2. Now we will cal-
culate the output currents of the circuit under a differential input voltage. According to
(3.63b) the drain current is

Vi

i = ?gml

which is the input signal current of the current mirror (M2, M3). We know that the
output signal current of this mirror can be expressed as (see Appendix D)

+Vpp
M3 jl— 13
i=Bi, k iy =Bi}
Y. + r
v/2)
M4
()Vss
®

Figure 3.32 Circuit diagram of a fully differential, current-mirror loaded amplifier.
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S p—
b= 118 — 1,8, 2 %)
So (s — sp)

(3.64)

where By, is the DC (or low-frequency) current transfer ratio, which is equal to W3/W,
and s, and s, are the zero and pole of B:

8m3 8m2
so=+=>— and s,=— 3.65
‘ Cdg3 : (Cgs2 + Cgs3) + Cxp ( )

where Cy, represents the extra parasitics, the sum of the drain junction capacitances of
M1 and M2 and the gate-to-source overlap capacitances of M2 and M3. M4 is a DC
current source, biased by V. Since M4 is biased such that its DC current is equal to the
DC current of M3, and M4 has a high small-signal output impedance, the output
current (i,) flowing through the low-impedance load is equal to i3. From (3.63b) and
(3.64) the output current can be expressed in terms of the input signal voltage, and then
the transadmittance can be written as
i, 1 Sp (s —s0)

Ym = ; = Egml 0%(5‘ _Sp)

and since lsol > lsyl,

1 1 1

Ym = *gmlBOSp (

3 S_isp) = gmspm (366)

where g, is the low-frequency value of y,,.

This is a typical single-pole gain function where the magnitude characteristic has a
3dB frequency corresponding to the pole, and a —20dB/decade slope. The phase
characteristic reaches n/4 at the 3 dB frequency, and theoretically becomes asymptotic
to /2. But at the high-frequency end of the characteristic, owing to the effects of the
neglected zero or the neglected parasitics, the phase shift can exceed 7/2 and can cause
problems if the amplifier is in a feedback loop.

If we calculate the 3dB frequency of the amplifier from (3.65) as

1 m 1 u,Cox(W2/L)|Vas2 — Vel
fan = 5— Sm2 = (3.67a)
27 (1+Bo)Ca2 + Crp 27 2(1 + Bo)WaLCox + Crp
and assume Cy, < (1 + By)Cgso, We obtain:
S ~ iiﬂp (|Vgsz - VTPl) (3.671‘))
27 (1 4+ By)L?

Although this assumption has limited validity for very small geometries, it provides
a valuable design hint: using NMOS current mirrors for M2 and M3 and, consequently,
using matched PMOS transistors as the input pair results in an improvement of the
3 dB frequency, by approximately (u,/u,) times, for comparable gate overdrive
voltage values. In addition, using a PMOS input stage is usually more advantageous
from the noise point of view.
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Equation (3.67a) also indicates that the bandwidth decreases with B,,. On the other hand,
as explained in Chapter 2 and seen from (3.66), the low-frequency value of the transad-
mittance is proportional to By. For the design of a high-gain, high-bandwidth transadmit-
tance amplifier, there is a trade-off related to By, in terms of the total power consumption,
total area consumption, the low-frequency value of the transadmittance and the bandwidth.

The output voltages on equal output loads can be calculated as
io _ viy_m / l'ﬁ, _io _ _Vl}ﬁ

= — vV, = — =
YL YL © )6y o YL

Vo

where the differential output voltage corresponding to a differential input is found to be:

m 1 1
y_ = Vi 8&miBoSp ———~
YL YL P (S - Sp)

Thus, the differential-input-to-differential-output voltage gain can be written as

1 1
Av =5 8m Bo VRN
dd YLg 1D0Sp (5 —55)

Vodd = (Vo — V) = 2w

(3.68)

For example, with an R-C load of Y1 = G + sCy_ the differential voltage gain becomes

1
Avgg = —201B 3.69
o B () o)
where
GL
L= =g (3.69b)

Consequently, the R-C loaded fully differential amplifier has two negative-real poles that
influence the frequency characteristics. In most cases s, dominates and the gain becomes

1

Ayqq = — B,—
dd CLgml O(S—SPL)

(3.70)
which is safe for feedback applications. However, as mentioned in Chapter 2, it is usually
necessary to apply a common-mode feedback (CMFB) in such circuits to maintain the
stability of the operating points. Although this feedback does not directly involve the
differential signal path, additional phase shifts on the differential signal may occur owing
to the unavoidable parasitics, leading to unexpected stability problems (i.e. oscillations).

Example 3.3 Let us calculate the 3 dB frequency of the differential OTA (Fig. 2.20),
designed in Chapter 2. The design goals were: transconductance G,, =3 mS, B,=1
and the DC current of the input transistors /p; = 1 mA (consequently the total current
consumption, 4 mA). The calculated dimensions (in micrometers) for 0.35 micron
AMS CMOS technology were

M1, M11: 24/0.35,
M2, M12: 50/0.35,
M4, M14: 48/0.35,
M5, M15: 111/1,
M3: 230/1.
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From (3.65), the 3dB frequency (frequency corresponding to the pole of the gain
function) can be written as

fram = L Sm2
2n (CgSZ + CgsS) + Cxp

gm2 = \J2(KP), (W /L) |12, (KP),
=1, Cox = 137 x4.56 x 1077 = 0.624 x 10™* [A/V?]

gm2 = /2 (0.624  104) x (50/0.35) x 1 = 422 x 107 = 4.22 msS,
2
(Cgsz + Cgs4) = g (W2 + W4)LC0X + (Wz + W4)CDGO
Inserting dimensions in micrometers, specific capacitances in fF/um? and fF/um:

2
(Casa + Cysa) = 3 (50 +48) X 035 x 4.56 + (50 + 48) x 0.12 2 110 fF

Cxp = (Wl + Wz)XCJ + (Wl + W, + ZX)CJSW + (W1 + W, + W4)CDGO
Cep = (24 +50) X 0.85 X 0.94 12 x (24 + 50 + 1.7) X 0.25
(24 4+ 50 + 48) x 0.12 = 111.6{F

1 43 %1073

—~ ~3.09 GH
27 (110 + 111.6) x 10-15 “

S =

The frequency characteristic obtained with PSpice simulation is shown in Fig. 3.33.
The hand calculation and simulation results for the low-frequency value of the
transconductance are in perfect agreement (3 mS and 3.02 mS, respectively). The

G, (dBS)
-50 T
VoI _____________________.__________-_______\\_ ____________
-55 AN
' \
! \
: \
-60 5 \\
' \
65 :
10M 30M 100M 300M 1G 3G 10G

Frequency (Hz)

Figure 3.33 Simulated frequency response of the amplifier. The transconductance, expressed in
dBS=20 log (i,i/v;), is —50.448 dBS, which corresponds to 3.02 mS. The 3 dB frequency is
2.36 GHz and the slope is less than —20 dB/dec, up to 10 GHz.
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disagreement of the 3 dB frequency (3.09 GHz vs. 2.36 GHz) is mainly owing to the
approximations in the analytical expressions and the neglected parasitics.

Problem 3.2 A simple, single-ended transadmittance amplifier is shown in the figure.
The parameters of the transistors are given as follows:

Vop=+1V
M3 I:]Mz

<—l‘0

= V5 =-025V Vg=-1V

L=0.25pum, T,,=5.4 nm,

NMOS: Vy=0.45 V, CDGO =CGSO= 2.5x10""" F/m, C;=1.8 x 107 F/m’,
Ciow=42x10""" F/m, X=0.5 pm.

PMOS: V3 =-0.45 V, CDGO =CGSO=4.5x10""" F/m, C;=1.8 x 10* F/m?
Ciow=3.5x 107" F/m, X=0.5 pm.

The PMOS current mirror is biased for 1 mA drain current.

(a) Find the width of M1 for i, =0 at quiescent point (v; =0).

(b) Zy is very small compared to the output internal impedance of the circuit.
Calculate the low-frequency value of the transadmittance.

(c) Calculate the 3 dB frequency of the transadmittance.

Frequency response of a single-ended output long tailed pair

The circuit schematic of an NMOS differential pair loaded with a PMOS unity gain
current mirror is given in Fig. 3.34. This type of differential amplifier is mostly used as
the input stage of operational amplifiers, where the subsequent stage is usually a
common-source gain stage. Therefore, the load of the single-ended input stage is the
capacitive input admittance of the gain stage. Although the single-ended long tailed
pair behaves as a transconductor, we will prefer to consider it as a voltage amplifier
owing to this commonly used configuration.

We know that under a small differential AC input signal, the resulting AC drain
current components of M1 and M11 (i; and i) are equal in magnitude and opposite in
phase. The drain current of M2, which is i;, is mirrored as i;,=DBi,, where B is the
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® +Vpp

()Vss

Figure 3.34 NMOS differential amplifier with single-ended output, loaded with PMOS
current mirror.

frequency-dependent mirroring factor (current gain) of the M2-M12 current mirror.
Hence the total load current can be written as

iL:i1+i12:i1(B+1) (371)

The drain signal current of M1 is i} = gm1Vgs1. Since vgs; = (v /2) under small-signal
conditions, the load current, the output voltage and the small-signal voltage gain can
be written as

. 1 i % 1gm
ZLZEVigml(B+1) VOZY—LL 4, =0 _&m

vi 21

(B+1) (3.72)

The current gain of a current mirror can be expressed as (see Appendix D)

sl(s —50)

B =B
0so(s—sp)

(3.73a)

where B, is the low-frequency current transfer ratio that is equal to unity if the
transistors of the mirror are identical as in Fig. 3.34. For this case B becomes
sp (s — o)

325@_%) (3.73b)

The pole and the zero of this function are

Emi2  Em2
Cagiz Cyp

so =+ (3.74a)

8Eml 8ml
Sy = — = 374b
P (Cgsl + Cgsl2 + CpT) (zcgsl + CpT) ( )

where Cyrrepresents the total parasitics of the drain node of M1, i.e. the sum of the drain
junction capacitances of M1 and M2 and the gate—source overlap capacitance of M12.
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Now (B+1) in (3.72) can be written as

Bty =14 2= 50) _sols =)+ 5p(s —50)

so (s — sp) So(s — 5p)
and simplified with so>> Ispl as
(s —2sp)
B+1)=-——~ (3.75)
(s —sp)
Now the voltage gain from (3.72) becomes
1 -2
A, > Lgm (s = 25p) (3.76)
21 (s—sp)

The total load admittance (Y1) is usually a parallel combination of a capacitance and
a conductance:

y=gL+sC

where the total parallel capacitance (Cp) is the sum of the external load capacitance

and the junction capacitances of the drain regions of M11 and M12, and the total

conductance (gp ) is the sum of the output internal admittances of M2 and M4 and (if

there is any) the external load admittance. Hence the gain expression becomes
legm (s—2sp)

Av T2CL (s—sp)(s —s1) (3.77)

where
Sp = —— (378)

This gain expression can be interpreted as follows.

e The gain function has one negative-real zero and two negative-real poles.

e The phase shift exceeds n/2 around the second pole but approaches back to n/2 at
higher frequencies.

e The gain at low frequencies (s — 0) is

Ao =&ML (3.79)
8L
e With no external load, the pole related to the output reaches its maximum value that
is determined by the intrinsic conductance and capacitance of the output node as
SL(max) = —&o/ CgjT, Where g, is the sum of the output conductances, and Cgy;r the
sum of the drain region junction capacitances of M11 and M12. It can be seen that
the magnitude of this pole is always smaller than that of the pole related to the
current mirror; in other words, s;. dominates.
e With an external load, which is usually capacitive, this pole dominates more
strongly and determines the bandwidth of the amplifier.



3.7 High-frequency behavior of differential amplifiers 139

e The gain—bandwidth product of the amplifier without external load can be used as a
figure of merit for optimization purposes:

1
GBW(max) = Ay ifL(max) =4, (E ’SL(max) ’) (380)

Example 3.4 A differential amplifier is designed for a typical 0.18 um CMOS
technology with Ly =L;=0.18um, L,=L;,=0.18um, W;=W;; =18 um and W,
= W, =18 um. The lengths of the drain areas are 0.5 um. The tail current source of
I+ =400 pA is assumed ideal. The key device model parameters are listed as:

Tox=42 nm (Coy=82x10"" Flem®), Vyop=—0.43V, up,=71.2 cm’/V.s, Vyon=0.315V,
fino = 326cm*/V.s, Capo = Caso=1.58x107"2 F/m, Cipp=1.14x10"° Flem®, Cyp=1.74
x 107" Ffem, Cion=1.19%x10"% Flem®, Cy, =1.6x 10" Flem,

The sum of the junction capacitances of M11 and M12 for zero bias can be
calculated as Cjgr =33 fF. Under a bias of approximately 1 V, the capacitance value is
Cjqr =23 {F. The output conductances are given as g,1; = 91.5uS and g, =41.25 uS.

The dominant pole frequency with no external load can be calculated as:

_lgy 1 (g1 + &)
fL(max) —Ea—ﬂ deT
1 (91.5+41.25)x10°°
2 23x10-15

fL(max) -

=918.6 MHz

It is obvious that the external load strongly affects the bandwidth. For an external
load of only 50 fF and 1 pF, the calculated values of the pole frequencies are 289.4
MHz, and 20.6 MHz, respectively.

gm1, Which is necessary to find the low-frequency voltage gain, is calculated as

gt = /2oty Cox(W1/L1) = 1/2 % (2% 10-4) x 245 x 8.3 x 10-7x 100 = 2.85 mS

where u,=245 cm?/V.s corresponds to a 0.5V gate overdrive as a reasonable value
(see Appendix A).
Now, A,, can be calculated as:

gm 2.85x1073

Avo = T T TAA Az  1n_Ff
gL 13275x 106

=21.5 (26.6 dB)

These results lead to the following observations about the circuit. The bandwidth is
primarily determined by the dominant pole related to the output node, which depends
on the sum of the output conductances of M11 and M12, the sum of the junction
capacitances of the drain regions of M11 and M12 (both being geometry-dependent)
and the load capacitance. The low-frequency gain also depends on the device geom-
etries. Therefore, it is reasonable to investigate the effects of the input and load
transistor geometries on the gain—bandwidth product.
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As we know, the output conductance of a MOS transistor can be approximately
calculated as gqo=Alp. The value of the channel length modulation factor (4) is
inversely proportional to the channel length [28]:

1 1
A ——=

B,.LJ/N L

where £ is a structural parameter. Using this expression, the output conductance can
be calculated in terms of the tail current, channel lengths of the input transistors, the
ratio of the channel lengths of M11 and M12 (I = W,,/W,), and the i parameter:

It 1 1 It 1
=h— — | =h— (141 3.81
8L=17 <L11 +L12> 2, D (3.81)

The total output node capacitance can be written as
CL = Cjani + Gjaiz + Criext) = Ciar + Ciexy) (3.82)
Hence the dominant pole frequency of the amplifier becomes '’

1
(41 o
2n 2 L] C_]dT + CL(ext)

On the other hand, the low-frequency gain can be written as

gm _ V1, Cox (W1/L1) 2 1
Ayo ==— CCox WL
e Wi A VRS

and the gain—bandwidth product

o=

1 7z 1 m_ 1
GBW = 5 Ity Cox T — &ml (3.83)
T

Ly deT + CL(ext) B CJdT 1 —|— Liext

Expression (3.83) provides useful hints to maximize the gain—bandwidth (GBW)
product.

(a) GBW strongly depends on the ratio of the external load capacitance to the sum of
the drain junction capacitances of M11 and M12.

(b) Especially for Cy (exiy > Cjqr, increasing the tail current helps to increase the GBW
at the expense of more power consumption.

(c) If the external load capacitance is comparable to the total output node junction
capacitances, decreasing the widths of the transistors of the current mirror load
increases the GBW. (But in this case Vg, increases and affects the DC supply
voltage budget. Therefore there is a lower limit for W), related to the DC operating
conditions of the circuit.)

(d) GBW increases with mobility (using NMOS input transistors is advantageous).

10 Since M1 and M1 1, M2 and M 12 are identical transistors, parameter symbols of M1 and M2 are used for
both members of the pairs, hereafter.
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(e) GBW changes inversely with L; (using minimum channel length transistors is
advantageous).

On the input and output admittances of the long tailed pair

The two input admittances of a long tailed pair have frequency-independent capacitive
components corresponding to the physical gate—source capacitances. In addition to
these components, there are frequency-dependent real and imaginary components of
the input admittances resulting from the Miller effect, similar to that of a common-
source amplifier or a source follower. These components do not have a significant
effect on the behavior of the amplifier, provided that the internal impedances of the
driving signal sources are very small compared to the input impedances of the amp-
lifier. However, in many practical cases this condition is not valid, and the interaction
of the source impedance and the input impedance of the amplifier affects the amplitude
and phase characteristics of the amplifier. The input capacitance is well known and can
be easily taken into account, whenever necessary. But the input conductance is usually
ignored. Therefore we will concentrate on the real components of the input admit-
tances of differential amplifiers, in the following.

We have already seen that, although the input of a common-source or a common
drain amplifier is the gate terminal that is isolated from the rest of the circuit, the input
admittance acquires a (positive or negative) real part at high frequencies. In this
section, we will use the knowledge developed in Sections 3.2 and 3.3 to investigate the
input conductances of different types of differential amplifiers, under different driving
conditions.

We know that for a differentially driven long tailed pair, the source node is con-
sidered to be at the ground potential. Therefore, the behavior of the input admittance is
the same as that of a grounded source amplifier. In Section 3.1, we found that the input
admittance of the common-source amplifier has a real part that increases with fre-
quency, as a result of the Miller effect. For higher values of the voltage gain (i.e. for
higher load resistance values), the magnitude of the input conductance increases. The
simulation results showing the input conductance of a resistively loaded and differ-
entially driven long tailed pair (Fig. 3.35(a)) are in agreement with this reasoning.

If a long tailed pair is driven from one of its inputs and the other input is grounded,
the source of the input transistor is not at the ground potential any more. Instead, the
source has a load equal to the input admittance of the second transistor that is acting in
this case as a passive common-gate circuit. We know from Section 2.3 that the input
conductance of a common-gate amplifier is equal to g,,. This conductance and its
parallel capacitance, which is the sum of the source region junction capacitances of
M1 and M11 and the input capacitance of M11, form an R-C load to the source of M1.
From Section 3.2, we know that such a source load induces a negative input con-
ductance component, provided that the drain is at the ground potential, or the value of
the drain load impedance is low. The curve A in Fig. 3.35(b) corresponds to such a
situation. For higher values of the drain resistance and corresponding higher gate-to-
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Figure 3.35 Variation of the input conductance of a resistively loaded long tailed pair with
frequency (L=0.35 um, W=100 pm, /T =200 pA). (a) Differential drive, (b) single-ended
drive. A: R, =500 ohm, B: R;, =5 k ohm, C: R =10 k ohm. C is 50 fF for all cases.

drain voltage gain, the positive Miller component of the input conductance starts to
become effective, eventually compensating (curve B) or dominating (curve C) the
negative component.

These results imply that the two input admittances of a single-ended output long tailed
pair as shown in Fig. 3.34, which is driven from one of its inputs while the other input is
grounded, are not equal. In the case when the circuit is driven from the gate of M1,
which is loaded with a diode-connected (low-impedance) drain load, the Miller com-
ponent is negligible and the input conductance at high frequencies is negative. If the
circuit is driven from the gate of M 11, which has a high impedance drain load, the Miller
component dominates and the input conductance at high frequencies becomes positive.
The simulation results given in Fig. 3.36 illustrate this reasoning.

The output admittance of a long tailed pair depends on the circuit configuration.
For a resistively loaded or passive-transistor loaded amplifier as shown in Fig. 2.17(a)
and (b), the output admittance is the sum of the output admittance of the input
transistor and the load admittance, together with the parasitic drain region junction
capacitances. The direct way to increase the output resistances is to increase the
channel lengths. To keep the main parameters (DC operating conditions, the
transconductances of the input transistors) of the circuit, the aspect ratios must be
maintained, leading to the increase of the junction capacitances. Therefore, there is a
trade-off between a high-output impedance and the 3 dB frequency. Another possi-
bility is to use a cascode circuit configuration as the passive load, whenever the DC
voltage budget permits.

In the OTA configuration shown in Fig. 2.17(d), the current mirrors loading the
input transistors have dominating roles on the 3 dB frequency of the circuit. Since the
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Figure 3.36 Single-ended input conductance of a single-ended output long tailed pair
(L: 0.35 pm, Wl = Wll =10 pm, W2 = W12 =30 wm, IT =200 H.A, CL =50 fF) A: input
conductance of M1, B: input conductance of M11.

3dB frequency of a current mirror strongly depends on the channel length, increasing
the channel lengths of the load transistors is not feasible for high-frequency applica-
tions. As M5 and M15 (as well as M3) are not on the signal path, it is possible to
increase the channel lengths (and maintain the aspect ratios) of these transistors. But
this leads to an increase of the drain region junction capacitances that increases the
internal parallel output capacitance of the circuit and affects the high-frequency per-
formance to some extent.

We have seen that the input admittance of a differential amplifier has a frequency-
dependent capacitive component and a (positive or negative) real part that can
have significant values, even at moderate-to-high frequencies. The effects of these
components on tuned amplifiers and gyrator-based tuned circuits will be investigated
in Chapter 4.

Gain enhancement techniques for high-frequency amplifiers

The gains of the basic amplifiers investigated in the previous sections may not be
sufficiently high for certain applications. The gain can be increased by cascading
several amplifying stages, which yields an overall gain equal to the product of the
gains of the cascaded stages. In this case it is obvious that both the gain and the band-
width of a certain stage will be affected by the input impedance of the succeeding stage
and the overall cut-off frequency is smaller than the cut-off frequencies of the
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L/2 L L L L/2

Figure 3.37 Conceptual schematic of a distributed amplifier.

individual stages. This “multiplicative” approach is extensively used for the design of
high-gain amplifiers and to obtain maximum cut-off frequency for a certain overall
gain. In this section, strategies on the cascading of different types of amplifiers will be
discussed.

Another possibility is to increase the gain by “adding” the gains of the individual
stages, which is usually called “distributed amplification”. In this case the overall cut-
off frequency becomes equal to the cut-off frequency of the identical gain stages.

“Additive” approach: distributed amplifiers

The distributed amplifier concept was first developed in the early years of electronics
engineering, initially for vacuum tubes [29], and subsequently applied to bipolar
transistors, MOS transistors and MESFETs to boost the cut-off frequency of ampli-
fiers'' — a feat which is not easily possible with conventional cascading techniques.
The basic principle of a distributed amplifier is shown in Fig. 3.37. The circuit contains
two artificial L-C transmission lines having identical signal delays 7 per sector. These
lines are terminated at the input and output ends with resistors equal to the charac-
teristic impedance of the lines, Z,; and Z,,, respectively, to eliminate any signal
reflections. Although Z,, and Z,, do not have to be equal, it is common practice to use
Zoy = Zor» =Z, =50 ohm.

' For example, [30], [31], [32].
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The basic parameters of an artificial L-C transmission line can be calculated in terms
of the self inductance and parallel capacitance of a sector of the line as follows:

characteristic impedance: Z, =+/L/C,
2

1
cut-off frequency: wy) = —, = ,
aueney "= Ve T wie
2
signal delay per sector: T= o= VLC.
0

The input capacitances of the identical amplifiers constitute the parallel capacitances
of the input transmission line (C,). Similarly, the output capacitances of the amplifiers
(C,) — partially — constitute the parallel capacitances of the output transmission line,
such that the symmetry condition (C, + C,) = C| is satisfied. To minimize the resistive
loading of the line, the input and output resistances of the amplifiers must be as high as
possible with respect to the characteristic impedance of the line, which imposes the use
of transadmittance amplifiers as the most appropriate type.

To understand the principle of operation of a distributed amplifier, assume that the
instantaneous value of the input voltage at r=0 is v;. The input voltage propagates
along the line and v; appears at the input of the first amplifier, A; at #; =1y,,'” at the
input of the second amplifier, A,, at #, = (7, + 7), at the input of the third amplifier, A5,
at t3 = (1, + 27), and so on. The output current i,(v;) = gmv; of A; corresponding to v;
that appears at #; =7, on node 1 of the output line propagates forward and backward
along the line. The forward component of this current that is equal to iy (v;) =i, (v;)/2
reaches the node 2 at t =1,, simultaneously with the output current of A, corresponding
to v;. Hence the current corresponding to v; that is propagating in the forward direction
along the output line becomes the sum of the individual components, namely 2 X i¢ (v;).
At t =13 the forward current corresponding to v; becomes 3 X i¢(v;), etc. Finally, the
current corresponding to v; reaching to the load, Z; , becomes 4 X i¢(v;).

From these considerations, the output voltage and the voltage gain of a distributed
amplifier containing 7 cells can be found to be

Vo =N X %gmviZo Ay = ‘;—T = %ngon (3.84)

To obtain a high voltage gain one possibility is to increase n. Another possibility is
to increase the gain to a reasonable value and then to cascade the distributed amplifier
blocks to reach the targeted total voltage gain,

" 1 m
Ayt = (4y)" = (EngOn) (3.85)

where m is the number of the cascaded distributed blocks.
The bandwidth of a distributed amplifier is determined by the cut-off frequency of
the individual transadmittance amplifiers and that of the transmission lines. Any type

12 1, is used for the signal delay of the input (or output) half-sector of the line.
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of transadmittance amplifier can be used as the amplifier block, provided that the
bandwidth of the amplifier fulfills the requirement. One of the most frequently used
amplifier topologies in distributed configurations is a simple MOS transistor biased
in the saturation region. Since the voltage gain of an individual amplifier loaded
with Z,/2 is low, the adverse effects of Miller feedback are usually negligible.
The cascode configuration is certainly another possibility for implementing the
amplifier block.

Cascading strategies for basic gain stages

As already mentioned, cascading of multiple gain stages (i.e. connecting the output
port of one amplifier stage to the input port of the next stage) is the most frequently
used technique for building high-gain amplifiers. The types and numbers of the cas-
caded stages depend on the type and overall gain of the targeted multi-stage amplifier.
Here the term “gain” is used in a broader meaning; it can be power gain, voltage gain,
current gain, transfer admittance or transfer impedance.

In multi-stage power amplifiers, the input impedance of the next stage must be equal
to the complex-conjugate of the output impedance of the previous stage, in order to
allow the most efficient power transfer from the output of the previous amplifier to the
input of the following stage.'” This means that, if the output impedance of the first
stage 1S Z,; =11 +jXo1, to satisfy the maximum power transfer condition, the input
impedance of the second stage must be equal to

Zip = Zo1 = Fo1 — jXo1

Note that the real components of these two impedances are identical and the
imaginary components are in series resonance. This condition dictates that the max-
imum power transfer condition can be fully satisfied at a certain frequency only (the
resonance frequency of the two complementary reactances), and approximately sat-
isfied in the bandwidth of the resonance circuit. The maximum power transfer con-
dition can also be expressed in terms of the output and input admittances, i.e.
Yo = Yo = Zo1 — jbo1, which corresponds to parallel resonance of the parallel reactive
components, in addition to the condition gj» = go1.

It can be seen from this brief explanation that the cascading strategy based on the
maximum power transfer condition is useful only for narrow-band applications, but
not for wide-band applications, for example from DC to several GHz.

For wide-band applications it is necessary to efficiently transfer the signal (a voltage
or a current) from the output port of the previous stage to the input port of the
following stage.

If the signal to be transferred from the output of the previous stage to the input of the
following stage is a voltage, the necessary condition for efficient signal transfer is
Zi» > Z,1. Similarly, if the signal to be transferred from the output of the previous stage
to the input of the following stage is a current, the necessary condition for efficient

'3 This is one of the basic theorems of network theory.
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Figure 3.38 The four basic amplifier configurations.

signal transfer is zj; < z,;. The parallel reactive components of these impedances
usually consist of unavoidable parasitic capacitances and become effective at the high
end of the frequency band, in other words, they determine the limit of the usable
frequency range of the amplifier.

From these considerations, we can state that for efficient and wide-band signal
transfer at a cascading node:

e the parallel resistance — i.e., the parallel equivalent of the output resistance of the
first stage and the input resistance of the following stage — must be as small as
possible, which increases the pole frequency related to this cascading node;

e the input resistance of the next stage must be as high as possible compared to the
output resistance of the previous stage, which ensures efficient voltage transfer at
this cascading node;

e alternatively, the input resistance of the next stage must be as small as possible
compared to the output resistance of the previous stage, which ensures efficient
current transfer at this cascading node.

In Fig. 3.38 the four possible amplifier configurations are shown, indicating their
input and output resistances. The equivalent circuit given in Fig. 3.38(a) is called a
typical “voltage amplifier”, with a high input resistance and a low internal output
resistance.

The configurations shown in Fig. 3.38(b), Fig. 3.38(c) and Fig. 3.38(d) are called,
depending on the magnitude of the input and output resistances (i.e., depending on the
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Figure 3.39 Two appropriate configurations for a two-stage voltage amplifier. (a) Cascaded two-
voltage amplifiers, (b) a trans-admittance amplifier cascaded with a transimpedance amplifier.

CLINY3

appropriate type of the input and output signal) “transadmittance amplifier”, “trans-
impedance amplifier” and “current amplifier”, respectively.

To construct a two-stage cascaded wide-band voltage amplifier, we can choose one
of the two possible solutions as shown in Fig. 3.39, by applying the conditions stated
above to the cascading node for efficient signal transfer, as well as for high bandwidth:
either cascading two voltage amplifiers, or cascading a transadmittance amplifier in the
first stage with a transimpedance amplifier in the second stage.

Similarly, the possible configurations for two-stage transadmittance amplifiers, two-
stage transimpedance amplifiers and two-stage current amplifiers are given in Figs.
3.40, 3.41 and 3.42, respectively.

Appropriate configurations for a certain type of amplifier containing more than two
cascaded stages can be found by using the same systematic approach.

Problem 3.3 Draw the block diagrams of possible configurations of a three-stage
high-gain, high-bandwidth transimpedance amplifier and compare their properties.

An example: the “Cherry—Hooper” amplifier

To construct a high-bandwidth voltage amplifier, we usually prefer the well-known
basic form of a MOS voltage amplifier, as shown in Fig. 3.43. The low-frequency
voltage gain of such an amplifier is

AV(O) = —gmRL
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Figure 3.40 Two appropriate configurations for a two-stage transadmittance amplifier:
(a) a transadmittance amplifier cascaded with a current amplifier, (b) a voltage amplifier
cascaded with a transadmittance amplifier.
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Figure 3.41 Two appropriate configurations for a two-stage transimpedance amplifier:

(a) a current amplifier cascaded with a transimpedance amplifier, (b) a transimpedance amplifier
cascaded with a voltage amplifier.
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Figure 3.42 Two appropriate configurations for a two-stage current amplifier: (a) cascaded two-
current amplifiers, (b) a transimpedance amplifier cascaded with a transadmittance amplifier.

Figure 3.43 The basic (simplest) form of a single-stage voltage amplifier.

and the cut-off frequency is

1 1

G =CL+Ca
f3dB 3 R.C, L+ Cia

where C, is the sum of the output load capacitance Cy and the drain parasitic cap-
acitance, Cjq (the junction capacitance of the drain junction). Note that both of these
capacitances are controllable by the designer. In order to increase the bandwidth, Ry
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Figure 3.44 The basic (simplest) form of a transadmittance amplifier.

has to be decreased, which also decreases the voltage gain. The straightforward
approach to increase the gain to the targeted value is to cascade two similar voltage
amplifiers as shown in Fig. 3.39(a). In this case, the pole frequency of the cascading
node becomes

1
T RLC,

Wpe (3.86)
where C, is the sum of the drain parasitic capacitance Cjq and the gate—source cap-
acitance of the second stage. At the output port of the amplifier, the pole frequency is
determined by R; and the load capacitance as

1

=— 3.87
RLCL ( )

WpL

Note that there is another possibility: to cascade a transadmittance amplifier
and a transimpedance amplifier, as shown in Fig. 3.39(b). The simplest topology of a
transadmittance amplifier is shown in Fig. 3.44 where the current supplied by the DC
current source is equal to the drain current of M1. The low-frequency transadmittance
of the circuit is gy, corresponding to the transconductance of M1. The output parasitic
capacitance is the sum of the drain parasitic capacitance Cjq; and the output capaci-
tance of the DC current source, Cjqcs, Which is usually the drain-bulk capacitance of a
PMOS transistor and is of the same order as Cjq;.

As the second stage, we need to build a low-input resistance transimpedance
amplifier, having a low input resistance to obtain a high pole frequency at the
cascading junction and a low output resistance to obtain a high pole frequency at
the output node. Unfortunately, there is no basic MOS amplifier configuration ful-
filling the low input impedance and low output impedance at the same time. A
possibility is to use an amplifier with applied parallel voltage feedback, as shown in
Fig. 3.45(a).
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Figure 3.45 (a) The parallel voltage feedback applied to a MOS amplifier as a transimpedance
amplifier. (b) The small-signal equivalent circuit.

The small-signal equivalent circuit of this amplifier is shown in Fig. 3.45(b), where
y; represents the output admittance of the signal source (in our case the output
admittance of the transadmittance amplifier), Y is the parallel equivalent of the
feedback resistance, Rp, the drain—gate capacitance of the transistor and the parallel
capacitance connected to Rg (if there is any).

It can be seen that this equivalent circuit is the same as that of the CMOS inverter
investigated in Section 3.5. Therefore, the expressions and results can be directly
applied using the appropriate parameter values. The low-frequency value of the trans-
impedance was found

(gm - GF)
Zn(0) = — 3.88a
m( ) GF(gd§+gm) ( )
which can be reduced to
(gm — G¥) 11 1
Zn(0) 2 - 22—~ — 4 >~ —_R 3.88b
(©) gnGr Gr ' gm  Gr ’ (3.88)

for g4s <gm and Gg<gn. The low-frequency value of the input impedance can be
calculated from the equivalent circuit as
. Rg + rgs 1

Zi(0) = 8 o~ 3.89
O = S e (3.89)

for rgs>Rp and grgs>1. Similarly, the low-frequency value of the output
impedance,
Vds 1

Z,(0) = —— 2 — 3.90
O() 1 +gurss  &m ( )
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Figure 3.46 (a) A voltage amplifier composed of a transadmittance stage and a transimpedance
stage. (b) The differential version of this circuit that is known as the Cherry—Hooper amplifier.

According to (3.89) and (3.90), the input and output resistances of the amplifier are
approximately equal to (1/g,), provided that rgqs > Rp> (1/g,,) and gy,rgs > 1. These
input and output resistances can be made small enough to increase the pole frequencies
of the cascading node, as well as the output node, compared to that of the two-stage
cascaded voltage amplifier, given in (3.86) and (3.87).

The schematic of this two-stage voltage amplifier is given in Fig. 3.46(a). The low-
frequency voltage gain is

AVT(O) = le(o) X Zmz(o) = —gmiRr
The pole frequency corresponding to the cascading node is

gm?2
), =
ve Cia1 + Ciacsi + Cee2

where Cjqcs is the drain-bulk junction capacitance of the PMOS current source of MI.
Similarly, the pole frequency corresponding to the output node is

Em2
Cia2 + Ciacs2 + CL

a)p]_ =

Another factor affecting the overall frequency characteristic is the parasitic cap-
acitance parallel to the feedback resistor. As discussed in Section 3.5, this capacitance
has an important effect of the transimpedance of the second stage and it may be
possible to fine-tune the overall frequency characteristic with an additional capacitance
in parallel to Cggo.
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The differential version of this circuit is given in Fig. 3.46(b), which corresponds
to the well-known and extensively used wide-band voltage amplifier topology;
the “Cherry and Hooper” amplifier [33]. This example demonstrates that in order
to construct a certain type of wide-band amplifier, all alternative solutions given in
Figs. 3.39 to 3.42 must be considered in a systematic manner.



Frequency-selective RF circuits

During the early days of radio design, the tuned amplifier was one of the most
important subjects of electronic engineering. It was used as the input RF amplifier of
radio receivers tunable in a certain frequency range and as an intermediate frequency
(IF) amplifier tuned to a fixed frequency. From the 1930s to 1950s RF amplifiers using
electron tubes were one of the most important and interesting research areas of
electronics engineering and were investigated in depth. TV and all other wireless
systems were other application areas for tuned amplifiers.

After the emergence of transistor circuits in the 1950s, the knowledge already
acquired was sufficient for transistorized tuned amplifiers, because the frequency range
was still limited to several hundreds of MHz. Active filters, one of the benefits of
analog ICs, largely replaced another class of frequency-selective circuits, i.e. L-C
filters. As a result of these developments the importance of inductors and circuits
containing inductors decreased and eventually these subjects disappeared from many
electronic engineering curricula and textbooks.

The rapid expansion of wireless personal communication and data communication
during the recent decade, and the developments in IC technology that extended the
operation frequencies into the GHz range, resulted in the “re-birth” of frequency-
selective circuits containing inductors. In parallel to the increase of operating fre-
quencies reaching up to multi-GHz range, the necessary inductance values decreased
to “nanohenry” level that are now possible to realize as an integral part of ICs, as
mentioned in Chapter 1. But the quality factor of these “on-chip inductors” is typically
in the range of 5 to 15, that is considerably smaller compared to the quality factor of
classical discrete “wound” inductors.' It must be kept in mind that the theory of tuned
circuits developed in older textbooks is based on high-Q inductors. Therefore, a
re-consideration of tuned circuits for low-Q circuits is necessary.

In this chapter, first a summary of the resonance circuits will be given, including
basic definitions and behaviors with special emphasis on low-quality factor circuits.
Then, single-tuned amplifiers, stagger tuning and amplifiers containing coupled res-
onance circuits will be presented. Active and passive filters are considered outside the
scope of this book, but owing to the increasing importance of a class of active filters at
high frequencies, gyrator-based g,,-C circuits will be investigated in detail.

! The quality factors of discrete wound inductors are in the range of 100 to 1000, depending on the structure
and material of the coil and the frequency.
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Resonance circuits

Resonance is one of the most important phenomena that occurs in many physical
systems that are comprised of components capable of storing energy as potential as
well as kinetic energy. These systems start to oscillate when excited, i.e., if a small
amount of energy is injected into the system, for example as potential energy. This
energy transitions between “fully potential” and “fully kinetic” phases, in the system.”
The frequency of oscillations depends on the parameters of the system. The pendulum
is one of the fundamental oscillatory systems that is easiest to understand. An oscil-
latory system loses its energy in time, if there is (it would be better to say: there always
is) a reason to consume energy in the system (for example the air friction for a
pendulum), the amplitude of the oscillation eventually decreases down to zero.

In electrical circuits, the capacitor is the component that is capable of storing
potential energy in the form of charge. The energy stored in a capacitor is £, = (1/2)
CV? if the voltage is V. An inductor, on the other hand, stores kinetic energy in the
form of flux. If a current 7 is flowing through an inductor, the energy stored in the
inductor is Ey = (1/2)LI>. All resistors in a circuit consume energy. The consumed
(dissipated) energy in a time interval ¢ is Eq = I°Rt, in terms of the current, and E, =
(Vz/R)t, in terms of voltage.

The components of an electrical resonance circuit are an inductor and a capacitor.
The series and/or parallel parasitic resistances, for example the resistance of the
inductor material and the parallel dielectric losses of the capacitor, are the energy-
consuming components of the system. There are two possibilities for forming a res-
onance circuit: to connect the inductor and the capacitor in series or in parallel. It will
be shown that the resonance effect of a parallel resonance circuit is pronounced when
it is driven by a current source. In contrast, a series resonance circuit exhibits the
resonance effect when it is driven by a voltage source.

The parallel resonance circuit

A parallel resonance circuit is shown in Fig. 4.1. The inductor is modeled by its self
inductance (L) and the series resistance (rp) that represents all losses related to the
inductor (for an on-chip inductor, this includes the parasitic resistance of the strip, the
losses of the magnetically induced currents and the substrate resistance, as shown in
Fig. 1.32). C is the value of the capacitance. For on-chip capacitors, since the insulator
is silicon dioxide, the parallel dielectric losses are negligibly small, but there is a
considerable series resistance as shown in Fig. 1.25 that is the main cause of the low Q
value of an on-chip capacitor.’ Ry, represents the internal resistance of the signal
(current) source, and other parallel losses if there are any. The impedance seen by the

2 For an excellent reading on resonance see [34].

3 Note that for discrete capacitors in classical resonance circuits, the series resistance of the capacitor is
neglected during the derivation of the expressions. Therefore, these expressions do not sufficiently
represent the behavior of the on-chip resonance circuits.



4.1 Resonance circuits 157
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Figure 4.1 A parallel resonance circuit with the series resistances of the inductor and the capacitor.

current source (Z') is the parallel equivalent of R;, and Z (Fig. 4.1). In the following, we
will first calculate Z and then include the contribution of R,,.
The impedance Z can be calculated as

P +5(L + Crerp) +s*LCre
1 +5C(re +r) +$2LC

and in the « domain,

(I"L — CZ)ZLCI”c) +JCU(L + CI”C}”L)

2@) === 310) T jwCire 1 10) o

The real and imaginary parts of (4.1) are

(rL — ?LCrc)(1 — w*LC) 4+ &?*C(rL +rc)(L + Crore)

Re{Z} =
2 (1 — ?LC)’ + 0?C2(r + 1c)’

o(L + Crire)(1 — w*LC) — wC(ry — w*LCrc)(ry + rc)
(1 — @?LC) + w2 C2(ry + 1)’

Im{Z} =

From these expressions, some information related to the following special cases can
be extracted.

e For w — 0 the imaginary part of the impedance becomes zero and the real part is
equal to 1, as can be intuitively seen from Fig. 4.1.

e For w — oo the imaginary part of the impedance again becomes zero and the real
part is equal to rc.

e The imaginary part of the impedance becomes zero (the impedance is resistive) for

2 (L—Crﬁ)

=_C 4.4
YR T LOL - Or) (44)

In Fig. 4.2(a), the root locus of Z is shown for rc < rp, which corresponds to the
conventional resonance circuits where the series resistance of the capacitor is negli-
gible. As seen from the figure, the impedance is resistive and equal to ri at @ =0. The
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Figure 4.2 The root locus of the impedance of a parallel resonance circuit; (a) for rc < ri, (b) for

Fc=ry.

impedance is inductive up to a frequency for which the impedance again becomes fully
resistive. The frequency corresponding to this case was found in (4.4) and can be
simplified to

2 1

ORe) = 1T 12 (4.5)

for rc < rp.. Note that this frequency is not the same as the w, natural frequency” that
is defined as
o =L (4.6)
07 LC '

In addition, it can be shown that the frequency for which the magnitude of the
impedance is maximum is equal to

1 72
w? :E,/l +2rgc—L—L2 (4.7)

for rc < r.. The differences between these three frequencies that are characteristic for
a resonance circuit are small but may have important effects on the behavior of the
circuits containing resonance circuits. If they are assumed to be equal, this assumption
may hide certain delicate properties of the circuit, as will be exemplified below.

Considering the example for an L-C oscillator, the circuit oscillates at a frequency
for which the loop gain satisfies the gain condition according to the Barkhausen
criterion, and the total phase shift on the loop is equal to zero. It is obvious that,
ideally, the frequency for which the magnitude of the impedance (and consequently the
gain) is maximum and the frequency for which the phase shift is zero (the impedance
is resistive) will coincide; with the notation we used above, Wyax = W re). The con-
ventional way to satisfy (at least to approach to) this condition is to use a low-loss
(high-Q) resonance circuit as the resonator of the oscillator.

* The term “natural frequency” is used for the resonance frequency of the lossless L-C combination.
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For on-chip resonance circuits, there is a possibility to equate wm,x and wge). It can
be seen from (4.4) that for rc = ., W) becomes equal to w, and the beginning of the
root locus (w =0) coincides with its end (w = o0) at Re{Z} = rc =r. The root locus
corresponding to this special case is shown in Fig. 4.2(b). It can be seen that owing to
the symmetry of the plot not only wg and wge), but also wm,x coincide. This may be a
valuable hint for the phase noise minimization of L-C oscillators.

Example 4.1 To check these results let us simulate a resonance circuit for two dif-
ferent cases.

(a) The inductance is L =2nH and the series resistance of the inductance is r;, =10
ohm. C has the appropriate value to tune the circuit to fo=5GHz. The series
resistance of the capacitor is negligibly small.

(b) The inductance and the resonance frequencies are the same as (a). But the series
resistances of L and C are the same and equal to 5 ohm.

Draw the variations of the magnitude and phase of the impedance as a function of
frequency and compare.

The value of the capacitance can be calculated as 506.7 fF from (4.6). The PSpice
results of the magnitude and phase are shown in Fig. 4.3(a). As can be seen from these
plots, the frequencies corresponding to the maximum of the magnitude and the fre-
quency where the impedance is resistive (i.e., where the phase angle is zero) are not

1Z1 () P (degree) 1Z1 () D (degree)
4004 100 400 4 100
/13 N I\
g = ek
300{ 50 N 3004 50 AVEE
A /
\ \ AL\
20091 0 ARER\ 2004 O / \
3
/ \ /
/ N 4 N
1001 50 4 1001 —50
N s
o =
01-100 0100
3.0 4.0 5.0 6.0 7.0 3.0 4.0 5.0 6.0 7.0
Frequency (GHz) Frequency (GHz)
(@) (b)

Figure 4.3 The phase and magnitude curves of a parallel resonance circuit: (a) with a lossy
inductor and lossless capacitor, (b) with a lossy inductor and lossless capacitor, if the series
resistances of L and C are equal.
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the same. From another important viewpoint, the phase angle corresponding to the
maximum value of the impedance is not zero, but ® = —8.05 degrees.

The simulation results for case (b) are shown in Fig. 4.3(b). As can be seen from
these plots, the frequencies corresponding to the maximum of the impedance and to the
zero phase shift are the same, or in other words, the phase shift corresponding to the
maximum value of the impedance is zero, as expected.

4111 The quality factor of a resonance circuit
Before proceeding further, let us review the basic definition of the quality factor (Q) of
any oscillatory system, and apply this definition to calculate the quality factor of the
circuit shown in Fig. 4.4.

The quality factor of an oscillatory system is defined as

the total energy of the system
the energy lost in one period

Q=2n

(4.8)

Since the total energy in an oscillatory system swings back and forth between fully
potential energy and fully kinetic energy, to find the total energy of the system it is
convenient to calculate the value of the potential or kinetic energy at one of these
extreme conditions. For the circuit shown in Fig. 4.4 the circuit is excited with a
sinusoidal voltage, v =V sin wt, whose frequency is equal to the natural frequency wy
of the resonance circuit. The maximum value of the potential energy stored in the
capacitor corresponds to the case when the voltage on this capacitor is maximum, i.e.
the peak value of v. Then the maximum of the potential energy, which is equal to the
total energy of the system, is

1
E=3 cr? (4.9)

The energy lost in one period (7) on the parallel resistor R, is

1z 12
g =Tx il 1 (4.10)
2R, 2R,

v:Vsinwt@ Ry
c

Figure 4.4 The parallel resonance circuit in its most general form.
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To calculate the energy lost on ry, the peak value of the sinusoidal current flowing
through the inductor branch must be calculated:

14

Vi + wil?

I =

Then the energy lost in one period on ry is

1 ) rL

= Ve ———-— 4.11
2fo 1+ wil? (4.11)

Similarly, the energy consumed on r¢ in one period can be found as

1 ) rc

Ee=—V25C
2 1
2ﬁ) It + wyC?

(4.12)

The total energy lost in one period is the sum of (4.10), (4.11) and (4.12). Hence from
(4.8) and (4.9) the effective quality factor containing all of the losses of the circuit can
be obtained as

1 1 1 1

i 413
Oetr Qp+QL+QC (4.13)

Here:

2 272
:rL—i—wOL QwOL

woLl"L B ry

OL (4.14)

which corresponds to the losses on ry, in other words it is the quality factor of the
inductor at @,

wfCrE+1 1

Qc = woCre  woCre (4.15)

which corresponds to the losses on r¢, i.e. it is the quality factor of the capacitor at ey, and
Ry

Op = 0CRy = ool (4.16)

which corresponds to the losses on R,,.

Note that the approximate values of Q; and Q¢ are only valid for small values of the
corresponding resistances and that neglecting them can cause considerable error for Q
values smaller than 5.

Problem 4.1 Calculate the error of the approximate form of (4.14) for Q. =50,
QLZIO, QLZS and QL:3
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Figure 4.5 (a) Parallel resonance circuit with its lossy components. (b) The effective parallel
resistance representing all losses of the circuit at f;.

It is common practice to represent the total losses of a resonance circuit with a
lumped parallel resistor (effective resistance) Re¢p, as shown in Fig. 4.5.
If we express the losses of the inductor branch with a parallel resistor Ry p, from
(4.14) and (4.16) we can obtain
2 LZ

(@) L
Ry = 0" > (14+0f) = ——
p=rit - (o) = s

(4.17)

Similarly, the parallel resistor representing the losses of the capacitor branch is

1 L
Rep = (1 + QR = — 4.18
Cp rC + w(z)czrc rC( + QC) rCC ( )

Then the effective resistance can be expressed as the parallel equivalent of Ry, Rcp
and R,
P

Reff = (RLp//RCp//Rp) (4193)
or in terms of parallel conductances,
Gefr = GLp + Gep + Gy (4.19b)

Then the effective quality factor containing all of the losses becomes

1 wC Refr

Octf = ————=—— 0f Ocir =
oL Gerr Ger woL

= woCResr (4.20)

This equivalence considerably decreases the complexity of the expressions and is
extensively used in the literature, but it also hides some properties of the resonance
circuit. For example, although the natural frequency (fy), the frequency where the
impedance is real (fre)) and the frequency corresponding to the maximum magnitude
of the impedance (f(max)) are not the same for the original circuit shown in Fig. 4.5(a),
they are all the same for Fig. 4.5(b) and the skew of the frequency characteristics
exemplified in Example 4.1 is now hidden.
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The quality factor from a different point of view
As previously mentioned, an oscillatory system starts to oscillate once it is excited, but
the amplitude of oscillation gradually decreases owing to the losses. Since the rate of
this amplitude degradation and the quality factor of the system are both defined by the
losses of the system, there must be an inter-relation between them.

Consider a parallel resonance circuit simplified as shown in Fig. 4.5(b). The
impedance of this circuit can be expressed in the s-domain as

1 s 1 s
Cs?+spetie Cls—sp)(s —sp)

(4.21)

The poles of the impedance function are

1 1 \? 1
Splp2 = — —
2= "op ¢ T\ \2rpC) TIC

or
Splp2 =0 :Fj\/ CD% —dl=0 :Fjd)o (4223)
where
! 1 —~ 2 2
0C=——— =——=and ®y = \/w; — & (4.22b)

, Wo =
RerC’ " VLC

If the circuit is excited with a current pulse, the voltage between the terminals of the
circuit can be written in the s-domain as

= () evms o

and the voltage in the time-domain as

1 1
t = J]— Spil __ ASpat
V(1) Clom =) (e —e)
which can be arranged as
([) _ l 1 at(ejfbot efjwot)
C2jwg
1

1 .
=1 ——e" sin@t,
o

and with 6 = —(wy/2Q0.¢) and wy = @,
v(t) = Viniee™ (/290" sin @y, (4.23)

where Vi, indicates the initial voltage amplitude. Clearly, the rate of attenuation
(damping) of the voltage depends inversely on the quality factor Q.
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Figure 4.6 The damped oscillation of an excited parallel resonance circuit.

The variation of the voltage of an excited parallel resonance circuit is shown
in Fig. 4.6. Two important properties of this damped oscillation can be extracted
from (4.23):

e at the end of n= Q. oscillations, the amplitude decreases from Vi to Ve ™
e the number of oscillations” corresponding to ¥ = (1/e) Vi is equal to (Qeg/T).

The “Q enhancement”
There is a relatively straightforward possibility for increasing the low quality factor of
an on-chip resonance circuit: connecting a “negative conductance” in parallel to the
resonance circuit. We know that the Q factor of the resonance circuit at its resonance
frequency (wq) can be expressed as Q.= I/L wGes If we connect a negative con-
ductance (—G,) in parallel to G, the enhanced effective parallel conductance
becomes Gl = (Ger — Gy). This decrease of the parallel conductance consequently
increases the Q factor to Qlg= /L wy (Gegr — G).°

Although this negative conductance, which is usually introduced by an appropriate
electronic circuit, adds an additional noise and nonlinearity, it can be effectively used to
increase the quality factor of a resonance circuit, [26], [27]. One of the simplest negative
resistance circuits is a capacitive loaded source follower. In Section 3.2 we have seen
that the input resistance of a source follower can be negative under appropriate condi-
tions, and can be used to enhance the quality factor of a resonance circuit.

5 In the 1960s Rohde and Schwarz introduced a Q-meter (QDM) whose operation principle was based on
these interesting relations.

% Note that for G, = G the quality factor becomes infinite. According to (4.23), once the circuit is excited,
the magnitude of the oscillation remains constant at its initial value. It means that the circuit operates as a
sinusoidal oscillator. It can be shown that in all types of L-C oscillator there exists a negative conductance
parallel to the L-C circuit introduced by a positive-feedback circuit or by a device, like a tunnel diode, that
inherently exhibits a negative conductance (see Chapter 5).
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Example 4.2 Consider the problem of increasing the Q =10 of an on-chip parallel
resonance circuit to 20. The resonance frequency, the inductance, and the capacitance
are given as fy=2 GHz, L=10 nH and C=0.633 pF, respectively. The effective
parallel conductance of the resonance circuit can be calculated as

1 1

= =796x10"*
LogQ  10x1079x2mx (2% 10°)

Gerr =

which corresponds to R.gr=1256.6 ohm. It is obvious that to increase the Q factor to
20, the effective conductance must be decreased to Ghyp=3.98 X 107*S and the
necessary negative conductance to achieve this is G, = —3.98x107*S.

From (3.17a) we see that the negative input conductance of a source follower is
maximum for g,,C>> GC, and for w > w,, and becomes equal to

CCy
gi(c0) = — - 8m
(C+ Cy)’

and has its maximum value for C = Cg,. Under this condition the pole frequency given
in (3.15) becomes

w :gm+Gg 8m Qéﬂ(VGS_VT)
P 2C, T 2C, 2 L2

for g, > G, which can be satisfied by using a current source instead of R, as shown in
Fig 2.15. From the last two expressions we obtain, for C= Cyq
~ _8m
gi(o0) = 50
which offers the first design hint.

From Fig. 3.12, we see that g must be chosen where the slope of the curve is small,
or in other words, close to the asymptote, in order to obtain a high negative con-
ductance with a small sensitivity. For @ > 3w, the slope of the curve (or the sensitivity
of the negative conductance against the frequency) is sufficiently small. This means
that for wg > 3w, the value of the negative conductance becomes approximately equal
to gi(o0).

The aspect ratio of the transistor can be calculated in terms of G, and the gate bias
voltage. From (3.17d) and (1.33)

&m = 4|Gn‘ g:unCox(VV/L)(VGS - VT)
4|Gy|
UnCox (Vas — V)
which indicates a trade-off between gate overdrive and the aspect ratio. (Vgs—V1)=1V

is a reasonable value for the AMS 0.35 micron technology, for which the maximum
supply voltage is given as 3.3V, and the aspect ratio can be calculated as

4|G,| _ 4(3.98x107)
UnCox(Vas — V1) 374(4.54x1077)1

(W/L) =

(W/L) = =937
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For this aspect ratio and (Vgs — Vr) =1V, the drain current is

1 w 1
Ip = 5#ncoxf(VGS —Vr) = 5374><9.3(4.54>< 1077) = 0.79 mA

Now L can be calculated from (3.15a). With wy=4w, as a value that satisfies
W > 3wy,

4.3u,(Vos — Vr) 6x374x1
L= 270 = =42x10""em 42
@0 2nx(2% 10%) cm = Sspm

W =9.37x4/2 ~=39um

and

The circuit diagram together with the current source is given in Fig. 4.7. The Vpp
supply is 3.3 V. The gate of M1 is directly biased from Vpp. To satisfy (Vgsi—Vr)
=1V (or Vgs1) =1.5V, the DC voltage of the source of M1 must be 1.8 V, which is
the drain—source voltage of the current source transistor, M2. M2 must be biased such
that its current is also 0.79 mA and is in the saturation region. For Vg, =1V, since
Ip, = Ip,, the aspect ratio of M2 can be calculated as

<W> B (W) (Vasi — Vr)(1 + Zn.Vosi) 7937(1.5—0.5)2(1+o.073><1.5)u”
L 2 L 1

(Vos2 = V1) (1 +2aVps2 7 (1-0.5)*(140.073x1.8)

and with L, =0.35 pm, W, =13 pm.
The final value to be calculated is C which is equal to Cg;:

2
Cast 2 ML Cox = (39% 1074)(3.5%1074)(4.54x 1077) = 495 {F

The designed Q-enhancement circuit is simulated with PSpice. To adjust the current
of M1 to 0.79 mA, it is necessary to adjust the gate voltage of the current source M2 to
1.22V. The frequency characteristics of the original resonance circuit and the Q-
enhanced circuit are given in Fig. 4.7(b) as curve A and curve B, respectively. The
quality factor calculated from curve B is 17.8, which corresponds to 78% increase of
the quality factor, but not 100% as targeted. One of the reasons is the loss associated
with the body resistances of the devices that were not included in the analytical
expressions. The second reason is the value of g.,, which is usually smaller than the
calculated value, as discussed in Chapter 1. To compensate it the channel width can be
increased in order to reach the target value.

Another valuable possibility for this simple Q-enhancement circuit shown in
Fig. 4.7(a) is to control the transconductance of M1 (and hence the negative con-
ductance) with the gate bias voltage of the current source, M2. In Fig. 4.7(c) the
frequency characteristics of the circuit for different values of V5, are shown. Note that
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Figure 4.7 (a) The complete circuit diagram of the Q-enhancement circuit. (b) The frequency
characteristic of the original resonance circuit (A) and the Q-enhanced circuit (B). (c) Q adjustment
of the resonance circuit (curves correspond to Vg, =0.6 V to 1.4 V with 0.2 V intervals).

the value of C has been decreased to compensate the effect of the input capacitance of
M1 and to bring the resonance frequency to the target value.

Problem 4.2. Make transient simulations of the original circuit and the Q-enhanced
circuit in Example 4.1 for sinusoidal input currents with an amplitude of 1 mA and
5mA. Compare and interpret the results.
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Bandwidth of a parallel resonance circuit
We already know that a parallel resonance circuit has frequency-selective behavior. Its
impedance is maximum at its resonance frequency and decreases below and above this
frequency. Owing to the series resistances of the inductance and/or capacitance
branches there may exist a skew, as seen in Fig. 4.3(a). We also know that this
asymmetry is associated with a shift of the zero crossing frequency of the phase, from
the top of the magnitude curve. Keeping in mind these imperfections, we prefer the
conventional approach to obtain universal expressions for the bandwidth, assuming
that the quality factor of the circuit is sufficiently high, or the series resistances of the
inductance and capacitance branches sufficiently balance each other, as seen in Section
4.1.1.1. Since the equivalent circuit in Fig. 4.5(b) can represent both of these cases, we
will base our derivations on this circuit.

The impedance of the circuit was obtained as (4.21), which can be written in the
frequency domain as

1
1+ (@2LC - 1)

1]

Z = Regy

With LC =1/ w% and Q = R.g/Lw, this expression can be arranged as
1

1
Z = Resr & Retf——— =
1+joe (2-1) L+ipo

(4.24a)

where
B =2Aw/wy (4.24b)

and Aw is the difference from the resonance frequency. From (4.24) the magnitude and
phase of the impedance can be written as

|Z| = Z(wo) S ® = — arctan($Q) (4.24¢)
1+ (pO)”

It can be seen from these expressions that:

e at resonance, the magnitude of the impedance is maximum and equal to R, and
from (4.20)

Z(wo) = Regr = QesrLg

o if the effective quality factor is known, a higher inductance value results in a higher
resonance impedance. This is an important fact that is useful to obtain higher
voltage gain from a tuned amplifier, as will be shown later on;

e for fO= +1 the magnitude of the impedance decreases to Z(wy)/ V2, which
corresponds to the —3 dB frequencies of the magnitude curve:

Jo _fo

f(73dB) :f() +<— and B

0 0 (4.25)
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o the phase angle of the impedance is zero at the resonance frequency (the impedance
is resistive), as expected;

e below the resonance frequency the phase angle is positive (impedance is inductive)
and above f; the impedance is capacitive. The phase angles corresponding to the
band ends (—3 dB frequencies) are F m/4. The normalized magnitude and phase
characteristics of Z are given in Fig. 4.8.

Currents of L and C branches of a parallel resonance circuit

Assume that the input current of the parallel resonance circuit shown in Fig. 4.9 under
resonance is i(wg). The voltage between the terminals of the circuit is v(wg) =
i(o)Resr. The current of the capacitive branch is

ic(a)o) = v(a)o)(ijo) = i(a)o)Reff(jCa)o)
— ili0) < Qer (20

Note that:

e the current flowing through the capacitance branch leads the input current by 90°;
e the magnitude of the current flowing through the capacitance branch is Q. times
larger than the input current.

1 d (w) 80
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Figure 4.8 The normalized magnitude and phase characteristics of a parallel resonance circuit.
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Figure 4.9 The branch currents of a parallel resonance circuit under resonance.
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Similarly the current of the inductive branch can be written as

i () :%:% = — jli(0) % Our] (4.27)

Note that:

e the current flowing through the inductance branch lags 90° behind the input current;

e the magnitude of the current flowing through the inductance branch is Q. times larger
than the input current. This phenomenon can lead to a long-term effect called “electro-
migration”, which means the weakening of a conductor owing to the momentum
transfer between the electrons and the metal atoms where the current density exceeds a
certain value (approximately 2 mA/um? for aluminum’). Note that a similar problem
also exists for the interconnect lines of the capacitor in the resonance circuit.

Problem 4.3 Calculate the branch currents of the circuit shown in Fig. 4.5(a), assuming
realistic values for the on-chip passive components and their resistive parasitics.

The series resonance circuit

A series resonance circuit is formed by connecting a capacitor and an inductor, as
shown in Fig. 4.10(a). The series resistances representing the losses of the inductor and
the capacitor are shown as ry, and rc, and rg is the internal resistance of the voltage
source. The circuit can be simplified as shown in Fig. 4.10(b), where rqg is the sum of
rL, rc and rs. The impedance of the circuit is

1
Z = (resr +sL+ —C) (4.28)
and the admittance §
_ 1 _ 1 K
Fest + 5L+ 55 Ls? + 550+ 7 (4.29)
1 s '

L(s—sp1)(s —sp2)

The poles of this admittance function are the same as the poles of the impedance of a
parallel resonance circuit:

Spip2 = 0 Fj\/wf — 0> (4.30)
where
1 7 w, w, Lo,
2 off 0 0 0
- L - ——_ 431
P =rc ° 2L 20t Qett =3, Fefr (4.31)

7 This value is given for DC currents. It is known that the electromigration is less effective for AC, and at high
frequencies. But current crowding owing to the skin effect and the proximity effects must be considered.
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Figure 4.10 (a) The series resonance circuit, (b) its simplified form.
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Figure 4.11 Normalized magnitude and phase characteristics of a series resonance circuit.

Now, the impedance of the circuit can be written as

Z(w) = Z(wo)(1 +jBQetr) (4.32)

where ff=2Aw/w, and Aw represents the difference from the resonance frequency,
similar to the parallel resonance circuit. The magnitude and phase of the impedance are

1Z(@)] = Z(w0)\/ 1+ (BOerr)®  B(w) = arctan(BQsrr) (4.33)

The normalized variations of the magnitude and the phase of the impedance are given
in Fig. 4.11. From expressions (4.33) and Fig. 4.11 it can be seen that:

e the magnitude of the impedance is minimum and equal to 7. at g;
e for fOQ = +1 the magnitude of the impedance increases to NoWA (o). This can be
expressed as the fact that the 43 dB frequencies of the magnitude are

Ji3a8) = fo £ fo and the bandwidth B :@ (4.34)

20 0
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e the phase angle of the impedance is zero at the resonance frequency (the impedance
is resistive), as expected;

e below the resonance frequency the phase angle is negative (impedance is capaci-
tive) and above f, the impedance is inductive. The phase angles corresponding to
the band ends (+3 dB frequencies) are Fn/4.

Component voltages in a series resonance circuit

Consider a series resonance circuit as shown in Fig. 4.12. The current at resonance is
i(wg) = V/rer, Where rep=rs + 11, + rc. Then the voltage between the terminals of the
inductor can be written as

. . rL+jLo
(o) = i(e0) (11 + jLan) = v(en) o
o (4.35)
. " .
= j-v(wo) <— + Qeff) 2 jov(@o) X Qetr
Veff
and similarly,
ve(wo) 22 —j.v(wo) X Oerr (4.36)

Note that

e the voltage between the terminals of the inductor is approximately Q. times larger
than the input voltage and leads the input voltage 90°;

o the voltage on the capacitor is approximately Q. times larger than the input voltage
and lags 90° behind the input voltage. This is an important phenomenon which has
to be taken into account to prevent the breakdown of the capacitor dielectric,
especially if the capacitor is a MOS capacitor or MOS varactor.

Tuned amplifiers

In all wireless applications, we need “tuned” or “narrow-band” amplifiers that provide
gain at a certain frequency and in a narrow band around this frequency. The tuning

L

rs \( | vi(@p)

1)
+ 0 L
v(wg) =V sin(wt) Y

c

ve(wg)
T

Figure 4.12 Voltages in a series resonance circuit at resonance.
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frequency and the bandwidth depend on the area of application. Since the early days of
the radio, resonance circuits have been the main components of tuned amplifiers,
owing to their frequency-selective nature.

We have seen that the voltage gain of any amplifier is proportional to the total load
impedance, which is the parallel equivalent of the external load and the output
impedance of the amplifier. We also know that the impedance of a parallel resonance
circuit is maximum at a certain frequency that is approximately equal to the natural
frequency (or the resonance frequency) of the circuit. Then the easiest way to form a
tuned amplifier is to use a parallel resonance circuit as the load of the amplifier such that
the resonance frequency of the load together with the output impedance of the amplifier
is equal to the desired tuning frequency. In some applications, the tuning frequency must
be fixed as in the intermediate frequency (IF) amplifier of a receiver. But in some other
applications, such as the input amplifier of a radio, the tuning frequency must be
adjustable in a certain frequency band. To tune the frequency of an amplifier, the most
commonly used way is to incorporate a suitable varactor into the resonance circuit.”

The bandwidth of the amplifier is certainly determined by the frequency charac-
teristic of the overall (effective) load. For some applications the bandwidth and the
shape of the frequency characteristic in this band do not fulfill the needs of the
application. There are several techniques to improve the shape of the frequency
characteristic and to increase the relative bandwidth in certain applications. The use of
coupled resonance circuits instead of the simple parallel resonance circuits as load and
the “staggered tuning” of the stages of an amplifier are among the well known and
extensively used solutions.

In principle, any high-output impedance amplifier configuration can be used as the
gain block of a tuned amplifier. The simplest and one of the most frequently used
configuration, especially at the lower end of the RF spectrum, is the common-source
tuned amplifier.

The common-source tuned amplifier

The circuit diagram of a common-source tuned amplifier is given in Fig. 4.13(a). The
parallel L-C circuit is connected between the drain of the transistor and Vpp. The DC
load of the transistor is the DC resistance of the inductor, and the AC load is the
impedance of this load at the frequency of operation of the circuit. The input signal
source is represented by a non-ideal voltage source having an internal resistance Rg,
and is connected to the gate of the transistor via a coupling capacitor C., which
exhibits a low reactance at the frequency of operation, and can be considered short-
circuited for the signal. The gate DC bias voltage of the transistor is applied via a high
value resistance Rg that can be considered open-circuited for the signal. The input
impedance of the following stage at the frequency of operation is represented by a
parallel combination rj,Cjs.

8 Formerly, mechanically controlled “variable capacitors” were being used in non-integrated tuned
amplifiers.
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Figure 413 (a) Schematic diagram of a tuned common-source amplifier. (b) The small-signal
equivalent circuit. C represents the total capacitance (the sum of the external capacitor C’, the
output capacitance of the transistor, the input capacitance of the following stage and the
parasitics). Rq is the parallel equivalent of the output resistance of the transistor, the input
resistance of the following stage and the parallel resistance corresponding to the losses of the
resonance circuit.

The small-signal equivalent circuit of the amplifier is given in Fig. 4.13(b), where
the signal voltage at the input of the transistor is shown by v;. This voltage certainly
depends on the input resistance (in general, impedance) of the signal source and the
input impedance of the amplifier, at the frequency of operation. Therefore, to char-
acterize the amplifier, the voltage gain alone is not sufficient; the input impedance (or
admittance) also must be investigated. The voltage gain (v,/v;) of a common-source
amplifier for any type of load was found to be (see Eqn. (3.2)):

8m — SCdg

Ay =—
Y,

where Y, represents the total output load admittance, that is the parallel equivalent of
C, L and R for our circuit;’
8m — 8§ Cdg

= 4.37
SC+&+Geff ( )

To derive the variation of the magnitude and the phase of the gain with frequencys, it
is possible to write (4.37) in the frequency domain, or to use the pole-zero diagram of
the gain function. In the following, we prefer to examine the pole-zero diagram.

9 It is obvious that for woCqy <K gms, the voltage gain can be written as A, = —g/Y, = —gmZ,. Consequently
the frequency characteristic and the —3 dB frequencies of the amplifier are the same as those of the total
load impedance, Z,. Here a less straightforward approach will be used to enable us to discuss the effects of
the “zero” of the gain function and to prepare the reader for the concepts that will be used to investigate
the staggered tuning in Section 4.3.
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Figure 4.14 (a) The pole—zero diagram of the gain function of a tuned amplifier, (b) its simplified
form for the vicinity of the resonance frequency (note that (s — sp,;) is drawn for the upper 3 dB
frequency of the gain).

Equation (4.37) can be arranged in terms of its poles and zero as

_ Cag s(s —s0)

A, —_— 4.38
C o)l — ) (438)
where
2
Zm Ger . | 1 Gesr
— 4 &m — Tt 439
0= T T T2 T\ e <2C) (4.39)
and with

Gesr oy » 1 gm .
o= — ZeC = _2Qeff and wy = ic S0 = +C—dg, Sp1,p2=0 F] wﬁ — 0o’ (4.39b)

The pole—zero diagram of the gain function is given in Fig. 4.14(a). For any o value
the magnitude and phase of the gain can be obtained as

_ Cag_ Islls = sol

4| = (4.40a)

C ‘s—sles—spzl

O =00, + (D(S_SO) — (D(S—Spl) — q)( (4413)

S—8p)*

Provided that Isgl > wo and wq>> o, which are valid for most practical cases, for the
vicinity of wq the magnitude and phase can be approximated as

Cag_ |olso] 8m

|4] = c | =
S—Sp1|260() 2C|S—Sp1|

(4.40b)

(OX=] T
2

+ 7T — (D(S,Spl) —— =T - (D<S,SPI) (4.41b)
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The simplified form of the pole-zero diagram of the amplifier corresponding to
(4.40b) and (4.41b), valid for and around the resonance frequency, is shown in Fig.
4.14(b). From this figure the 3 dB frequencies and the bandwidth of the amplifier can
be found as

fo B =2Af = fo
zQeff Qeff
which are the same as that of a parallel resonance circuit.
The magnitude of the gain corresponding to the resonance frequency can be cal-
culated from (4.40b) with ls—sp,1 = 0 = @/2Q¢:

Ji-zam) =fo £ Af =fo £

(4.42)

Oett
A = gm = gmR 4.43
[A(wo)| = & 0oC &gmNeff ( )
and similarly the phase angle for w,
D(wy) =m (4.44)

For the calculations above we assumed that the zero of the voltage gain related to
the drain—gate capacitance is positioned far away on the right half-plane and is
therefore negligible. This assumption corresponds to wyCqe <K gm, Which is usually
valid. Under this assumption the voltage gain (2.28) can be written as

A(w) = —gY—m = —gnZo (4.45)
(8]

where Z, is the effective impedance of the parallel resonance circuit.

Example 4.3 Check the validity of the assumption of w(Cyy < g for a typical 0.13
micron NMOS transistor operating in the velocity saturation regime. The operating
frequency of the amplifier is 3 GHz.

Under velocity saturation (which is the case for a 0.13 micron transistor, as
shown in Chapter 1), the transconductance is gm—sary = kWCoxVsa and the drain—gate
capacitance Cyqy = WX CDGW. Therefore,

[N Cdg ) x CDGW
8&m CoxVsat

which is independent of the gate width. The related parameter values for this 0.13
micron technology are TOX =2.3x 10~ [m] (which corresponds to Coy = 15x 10>
f/m?), and CDGW =5.18 x 107! [f/m]. The saturation velocity of electrons in the
channel was given in Chapter 1 as 6.5x 10* [m/s]. Therefore

woCqg  2mx(3%10%)x(5.18x107'7)

=~ 1072
om (15% 103) x (6.5 x 107)

which corresponds to an error of 1% on the magnitude of the gain and an excess phase
shift of only 0.57°.
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Problem 4.4 An amplifier tuned to 1 GHz is designed using an AMS 0.35 NMOS
transistor with W =100 um and L= 0.35 um. The drain current is 5 mA. Calculate the
gain and phase errors of this amplifier if the influence of Cq, is neglected.

The numerical results of this example show that the effects of the drain—gate cap-
acitance are negligibly small. The question can then arise as to why this capacitance is
notorious for its adverse effects on tuned amplifiers. The answer to this question is
related to the effects of Cys on the input admittance of the amplifier and the risk of
oscillation under certain conditions, as examined in the following.

The input admittance of a common-source amplifier was found as

—sC
Yi = S(CgS 4+ Cdg) + Vmi = S(Cgs + Cdg) =+ SCdg g—m Y de
o

(3.3b)
The first term is apparently capacitive, but the second term (the Miller component)
needs to be investigated. Let us write the Miller admittance in the frequency domain,
and then calculate the real and imaginary parts:

. gm — joCyq 5 —gm +joCqg
; = jwCiy—=——"———=—=w"LC -
Ymi(@) = jo G tiwCt %1 - W) +jelG
2 Ce
w/wy)” X = C
Re{yi} = —— /) X0 (—gm(l — (@/@0)?) + (/o) G) (4.46)

(1 — (w/wo)2)2+ w*L*G?

(/o) x

[l - (w/wo)ﬂ 2+CO2L2G2

Im{ymi} = o{ Cag[1 = (@/0)’] + LGen}  (447)

From (4.47) it is possible to see that

e at the resonance frequency (for @ = wy) the input conductance is
22

@, Cgq

Re{ymi(wo)} = G

which strongly depends on Cyg;

e above the resonance frequency (where the load impedance is capacitive), the input
conductance is positive and varies with frequency;

e below the resonance frequency (where the load impedance is inductive), the input
conductance has a dominant negative component and varies with frequency.

This frequency-dependent input conductance and especially its negativity below the
wy resonance frequency of the output load is important from different points of view.

e In the case of a non-ideal input signal source, the signal voltage on the gate of the
transistor changes with frequency. Therefore, the overall frequency characteristic is
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determined not only by the output load, but also by the internal impedance of the
signal source.

e If a tuned circuit exists in parallel to the input, owing to the positive parallel
conductance above w, and the negative parallel conductance below w,, the quality
factor of this circuit decreases above g and increases below @g. The result is the
skew of the frequency characteristic of the input resonance circuit, which affects the
overall frequency characteristic of the circuit.

e The negative conductance component of the input admittance can over-compensate
the losses of the input resonance circuit and can lead the circuit to oscillate.

According to (4.47) the imaginary part of the input admittance of a tuned amplifier
also depends on the frequency. However, this is not as severe as the varying, negative
input conductance. It only acts on the tuning of the input resonance circuit, if there
is any.

To exemplify these observations the PSpice simulation results of a simple tuned
amplifier are given in Fig. 4.15, using an AMS 0.35 NMOS transistor with L=0.35
pum and W=200 pm. Supplies are Vpp=3 V and Vg=0.8 V. L=10 nH and C is
trimmed to 2.34 pF to tune the circuit to fo = 1 GHz. The parallel resistance representing
the total losses of the resonance circuit is 1 k ohm, which corresponds to Q =15.9.

Cin (F) 8in (S) A (dB)
A Lop 7 5 2.0m 7 C25
,/’~\\
i ] ‘ N
0.8p 1.0m 20 K A NG B
7 I ‘\
J I AN
/. A
. )i .C
\
7 \
0.6p - 01 15 —~ /L
4 \
7 \\
~ /[l \ R
7/ I A A Y
\ \ N
04p 4 -10m+ 10 .
p . //\ \\
/, / \\
[ A — -
0.2p - -2.0m ~ 5
0.8G 0.9G 1.0G 1.1G 1.2G

Frequency (Hz)

Figure 4.15 Variations of the input capacitance (A), the input conductance (B) and the voltage
gain of the amplifier (C). Note the fluctuations of the input capacitance and the input
conductance, and especially negativity of the input conductance below the resonance frequency.
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Curves A and B show the variations of the input capacitance and the input con-
ductance, respectively. The negative input conductance below f, and positive input
conductance above fy are seen from curve B. The maximum values of the input
conductance are 1.2 mS and correspond approximately to the 3 dB frequencies of the
gain that is plotted as curve C.

These dramatic variations of the input admittance of a tuned MOS amplifier are
obviously owing to the drain—gate capacitance of the device, which is unavoidable and
whose adverse effects increase with frequency. Consequently, a circuit as shown in
Fig. 4.13 can be used only at the lower end of the RF spectrum. For high-frequency RF
amplifiers, the extensively used solution is the “cascode” circuit that was investigated
in general in Section 3.4.

The tuned cascode amplifier

A cascode circuit loaded with a parallel resonance circuit is shown in Fig. 4.16. M1
and M2 are biased in the saturation region with Vg, and Vg,. The load of M1 is the
input impedance of M2, operating as a common-gate circuit.

We know that the input impedance of a common-gate circuit is approximately equal
to the parallel equivalent of 1/g,, and C,,. Consequently the voltage gain of M1 is low
and equal t0 (—gm1/gm2) up to the frequencies close t0 gn»/Csqr. Therefore the Miller
component of the input admittance of M1 is considerably smaller compared to that of a
high-gain common-source amplifier. In addition, since the output resistance of a
cascode circuit is higher than the output resistance of a common-source circuit, the
effective Q of the load becomes higher.

+Vpp

1

+Vi1

Figure 4.16 Schematic diagram of a tuned cascode amplifier.
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Figure 417 Variations of the input capacitance (A), the input conductance (B) and the voltage
gain (C) of the tuned cascode amplifier. Note the almost constant input capacitance and the input
conductance.

To visualize the benefits of the cascode configuration, the simulation results of a cascode
amplifier are given in Fig. 4.17. The parameters of the circuit are the same as the par-
ameters of the common-source amplifier, whose simulation results were given in Fig. 4.15:

M1 and M2: AMS 0.35 NMOS transistor. L=0.35 um, W=200 pm.
Supplies: Vpp=3 Vand V5, =08 V, V5o =15V,

L=10 nH, C'=2.34 pF (fo=1 GHz).

Parallel resistance representing the total losses of L and C is 1 k ohm.

To ease the comparison, the vertical axes in Fig. 4.17 are intentionally chosen as the
same as those of Fig. 4.15. The obvious advantages of the cascode circuit can be
summarized as follows.

e The input capacitance is almost constant in the entire frequency band and equal to
the input capacitance of M1.

e The input conductance is positive and almost constant in the entire frequency band.
This means that the input of the circuit is a well-defined load for the driving signal
source (or the previous stage) and has no adverse effect if there is another tuned
circuit parallel to the input.

e The bandwidth of the gain is smaller (the effective Q is higher) compared to that of
the reference common-source circuit. This is the result of the high output resistance
of the common-gate output transistor M2, as expected.
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Cascaded tuned stages and the staggered tuning

The voltage gain of a tuned amplifier in the s-domain was given as

_ % s(s —s0)
C (s—sp1)(s —sp2)

From Fig. 4.14(a) it can be seen that in the vicinity of the resonance frequency and for
Isol > Ispil, (s—sp2) 22 2s and (s—s0) = —s¢ = g—:’g. Therefore (4.38) can be simplified as

A, (4.38)

Cy 50
Ay ——F 4.48
2C (s — sp1) ( )
and with A\(@wg) = —gmResr and Qesr = WoCRey,
1 1
Ay = Ay (wp) 22 7= Ay(wy1) —2! (4.49)

O)2Qeff (s — sp1 20t (5 — 5p1)

If n identical stages are connected in cascade, the total voltage gain becomes

Ay = [Av(wpo]”( = ) :

2Qef (S - Spl)n

and the bandwidth of the amplifier shrinks to
Br = BV2Un — 1 (4.50)

This is the appropriate solution if a high-gain and narrow-band amplifier is needed.
But in some cases a relatively broad bandwidth and a flat frequency characteristic in
this band are needed. It can be understood intuitively that tuning the stages of this
multi-stage amplifier to slightly different frequencies around the center frequency of
the band can lead to a feasible solution. In this case the gain of this multi-stage
amplifier can be written as

Wp1 Wpn 1

A ~ 4 | n " oo
v v (1) (@ )2Qeff1 20ctn (8 — Sp1) -+ (5 — Spn)

which has n poles.

The appropriate positions of the poles of the transfer function (the voltage gain in
our case) to obtain a desired frequency characteristic are investigated in depth in
classical filter theory [28]. It is known that the number of poles and their relative
positions determine the bandwidth and the shape of the frequency characteristics.
Among several possibilities for the distribution of the poles in the s-domain, the
Butterworth distribution and the Chebyshev distribution have prime importance and
extensive use in practice.

The Butterworth distribution provides a “maximally flat” frequency characteristic in
the band. It has been shown that to obtain a Butterworth-type frequency characteristic,
poles must be on a semi-circle whose center is at wg on the vertical axis of the s-plane
and they must be symmetrically positioned with respect to the horizontal diameter of
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Figure 4.18 The appropriate positions of the poles of an (a) 2-pole, (b) 3-pole and (c) 4-pole
circuit that has a maximally flat frequency characteristic.

the circle, with equal distances. The diameter of the circle on the jo axis corresponds
to the bandwidth of the circuit in angular frequency 2Aw. The appropriate positions of
the poles for n =2, 3 and 4 are shown in Fig. 4.18,'° where

[} @12

o1, = ——— = ——— for a 2-pole circuit
2770, 20 P

oy = _2w_Q02 and 013 = —;U—Qlll = —;)—le for a 3-pole circuit

w1 W14 () w13 .

Oj4 = ———=—— and 0,3 = ——— = — ——for 4-pole circuit
“T o0, T 20, P T 0, 20, 0P

In the case of small relative bandwidths, where 2Aw < @, the sigmas can be written as

o o N
o1, 2 ———=—— = 0 =0, for a 2-pole circuit
' 20, 20,
Wo Wy o) ..
Oy =——,0132 ———=—— = 0 2 Q; for a 3-pole circuit
20,7 20, 205
~ (<] o o ~ (o) _ o

= g = =
20, 20, 77 20, 20;
= 01 =2 04,0, =2 05 for a 4-pole circuit

Example 4.4 A three-stage staggered tuned amplifier having a Butterworth-type
frequency characteristic will be designed. The center frequency of the frequency
characteristic is 1 GHz. The maximum possible effective Q value for the resonance
circuits — without any Q-enhancement feature — is given as 20.

1% 1t must not be overlooked that these diagrams are the simplified versions of the pole-zero diagrams, for
the vicinity of the center frequency as shown in Fig. 4.14. The full pole—zero diagrams contain the
complex conjugates of the poles shown in Fig. 4.18.
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(a) What is the realizable bandwidth?
(b) Calculate the tuning frequencies of the stages.
(c) Calculate the appropriate effective Q values of the resonance circuits.

Solution:

The pole—zero diagram of the voltage gain function of the amplifier is shown in Fig.
4.18(b). From the geometry of the figure it can be easily seen that the magnitude of the
real part of the center pole, p;,, must be equal to the half of the bandwidth:

Wo Jo
= A SO
o] = ’2Q2‘ @ = Q=580 T 2Af
Similarly, the real parts of p;; and p;3 must be equal in magnitude to Aw/2:

_ | @0 wor _ for

1] ’2Q1 T A= R0 " A

o] o _on_fis

3] ’2Q3 = TS TR T A

wp; and wqz can be calculated from the geometry:

w1 = wy — Aw cos(n/6)

w3 = wy + Aw cos(m/6)

Since wqs is the highest among the three tuning frequencies, the quality factor
corresponding to this resonance circuit is the highest and must be equal to the possible
maximum Q value, which is 20:

o3 o+ Awcos(n/6) o fo
=— — =2
Ao Ac Ao + cos(n/6) = A +0.866 = 20
which yields Af=52.26 MHz (Aw =328.36 rad/s). Now the tuning frequencies and
the quality factors can be calculated as

03 =

for =fo — Af cos(n/6) = 1000 — 52.26 X 0.866 = 954.74 [MHz]

for  954.74
=20 2T 182
& 20~ 5226 8.27
. ~fy 1000
foz—fo—IOOO[MHZ]Q2—2Af72><52.26—9.57

fos =fo + Af cos(n/6) = 1000 + 52.26 X 0.866 = 1045.26 [MHz]
o, o 104526
PTA T 5226

Note that since the quality factors are not high and the relative bandwidth (2Af7f,) is
not small, Q; and Q5 are not equal.

The normalized frequency characteristic of the circuit calculated and plotted with
MATLAB is given in Fig. 4.19.
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Figure 419 The calculated frequency characteristic of the circuit, calculated with MATLAB.

Problem 4.5 The center frequency and the bandwidth of a 4-stage, staggered tuned
amplifier are 2 GHz and 80 MHz, respectively. Calculate the tuning frequencies and
the quality factors to obtain a Butterworth-type frequency characteristic.

The second important type of pole distribution provides a Chebyshev-type fre-
quency characteristic. The side-walls of a Chebyshev-type (or equi-ripple) charac-
teristic are steeper than those of a same-order Butterworth-type characteristic, but
exhibit a typical ripple on the top of the curve, as shown in Fig. 4.20(a). The number of
ripples depends on the order of the circuit.

The poles of a Chebyshev-type circuit are positioned on an ellipse, whose longer axis is
on the jo axis and the length of the longer axis corresponds to the bandwidth of the circuit. It
has been shown that the appropriate positions of the poles for a certain amount of ripple can
be obtained from the positions of a Butterworth-type circuit that has the same bandwidth.
As shown in Fig. 4.20(b), the tuning frequencies of the resonance circuits are the same, but
the real parts of the poles of the Chebyshev-type circuit are smaller. For an nth order
Chebyshev-type circuit with 7(dB) ripple, the magnitude of o of the Chebyshev pole can be
calculated in terms of the corresponding Butterworth pole from

(gi)c = tanhax (oi)g (4.51a)
where

r(dB)
10

1 1
a=—sinh™' — &=1log™!

n Ve

For convenience, the values of tanh a for n =2, 3 and 4 and for several ripple values
are given in Table 4.1.

—1 (4.51b)
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Table 4.1
r (dB) n=2 n=3 n=4
0.05 0.898 0.750 0.623
0.1 0.859 0.696 0.567
0.2 0.806 0.631 0.505
0.3 0.767 0.588 0.467
0.4 0.736 0.556 0.439
0.5 0.709 0.524 0.416
'
(Sp3)B
A (dB) I o,
0 VAN D N2 W Grsle
N4 SN\ ¥
- (SPZ)B --------------- Wy = W 2Aw
(Sp2)c
Spl)C
B
(Spp
o
2Af —=(o)cf=—
(@) (b)

Figure 420 (a) The frequency characteristic of a third-order Chebyshev-type circuit. (b) The
positioning of the poles of a Butterworth-type circuit and a Chebyshev-type circuit that have the
same bandwidth.

Example 45 A three-stage staggered tuned amplifier will be designed with a center
frequency of 2 GHz, having a voltage gain of 40 dB and a Chebyshev-type frequency
characteristic with 0.5 dB ripple and 380 MHz bandwidth. The design will be made for
a technology similar to the 0.35 micron AMS technology, but with an additional thick
metal layer, allowing 10 nH inductors with a quality factor of 10 at 2 GHz. The Q
values can be further increased with a Q-enhancement circuit similar to the circuit
given in Example 4.1.

From Fig. 4.20(b) we see that the bandwidth of the circuit is B = 2Aw = 2|(a2)y],
where (05)p is the negative real center pole of a Butterworth-type circuit having the
same center frequency and bandwidth. The center (real) Chebyshev pole can be cal-
culated from (Fig. 4.18b) and Table 4.1:

B =2Aw =2|(02)g]
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On the other hand,
|(02)c| = 0.524|(02) | = 0.524 x Aw

Now Q> can be calculated as

o 1 ﬁ) 1
= =———=10.04210
& = S Aw0.524 2Af0.524
This means that the center pole can be realized without any Q-enhancement.
From Fig. 4.18(b) and Fig. 4.20(b) the tuning frequency and the quality factor

corresponding to (sp;)c can be calculated as

fi =fo — Af x cos(m/6) = 2000 — 190x 0.866 = 1835.46 [MHz]

0 = ﬁ (01)c= 0.524(01)g, (01)5 = AwX sin(r/6)
C
0, =184

which correspond to a resonance impedance (effective parallel resistance) of

Riefry = L1 Q1 = (10x1077) x (2mx 1835.46 x 10°) X 18.35 = 2121 Q

Similarly, the tuning frequency, the quality factor and the effective parallel
resistance corresponding to (sp3)c can be found as

fs =2164.5MHz, Q3 = 21.7 Ry(efr) = 2949 ohm

Since the resonance circuit tuned to 2000 MHz was intended to be used without any
Q-enhancement, its quality factor and the effective parallel resistance are Q = 10 and
Ro(etry= 1256 ohm, respectively.

The basic circuit diagram is given in Fig. 4.21(a). As the individual stages of this
amplifier, the cascode configuration is the natural choice, as explained in 4.2.2. The
tuning frequencies of these stages will be fi, f> =fy and f;. To obtain the targeted
voltage gain of 100 at the center frequency (f, =f>), as well as frequencies corres-
ponding to (sp1)c and (sp3)c, the gains of the individual stages must be properly
determined.

The total voltage gain of the amplifier at f, =2000 MHz is equal to the multipli-
cation of the voltage gains of the individual stages at this frequency. The DC currents
and consequently the transconductances of the stages are chosen equal for conveni-
ence. The voltage gains of the individual stages at f; are

[4vi(f0)| = gmlZ1(f0)], |4v2(f0)| = gm|Z2(f0)] and |4y3(0)| = gm|Z3(f0)]

respectively. The load impedance of the second stage, which is tuned to f;, is equal to
the parallel equivalent resistance of the resonance circuit:

1Z2(£0)| = Rogetr) = Lng@> = (10x1077) x (21 x2x10%) x 10 = 1257 ohm

and the voltage gain
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(a)

4y (dB)
+Vpp
d; (d3)
1 .;": M101 (M301) 40 ~ =
\
I \icxl (Cx3) \\
Vo 5 = 20
| M0 (M302) N
v
(b) 0
1.5 1.75 2.0 2.25 2.5

Frequency (GHz)
(©)

Figure 421 (a) Schematic diagram of the amplifier. (b) The Q-enhancement circuits. (c) The
frequency characteristic of the amplifier after a fine-tuning with PSpice. (Vpp=3.3 V,
Ve1=Vea=1.15V, [[((=9.23 mA.)

gm =/ 2u,Cox(W /L) Ip
To find the gain of the first stage at fo, first IZ(fy)| must be calculated. From (4.24a)

1

1Z1 (o) = |Zi (/)] ;
1+ (,01)
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where
B, = 2Af1/fi and Af; = fy — fi = 2000 — 1835.46 = 164.54 MHz
and
|Z1(f1)] = Ri(etr) = 2121 ohm.
Hence

1
\Z,(fo)] = 1121 x = 615.3 ohm

2
V1 (s x18.3)

and the gain of the first stage
|41 (fo)] = gm x615.3
Similarly the voltage gain of the third stage at f,
[4v3(0)| = gm X853
Now the total voltage gain can be written as

|4y1(f0)| = (gm)’> x615.3% 1257 %853 = (gm)* X (0.659 x 10°)

which must be equal to 100. Then the transconductance of the stages can be calculated
as

gm = 5.34mS

According to (1.33) the transconductance of a non-velocity saturated transistor is

gm = V20, Cox(W /L) Ip

which implies the use of the minimum possible channel length, 0.35 pm in our case.
Equation (1.33) also implies that there is a trade-off between the channel width and the
drain current. Keeping in mind that a high channel width increases the parasitic cap-
acitances, we will choose W =40 um. With the parameter values of the AMS 0.35 micron
technology, (1.15) gives the drain current as 0.84 mA. But it must be kept in mind that
owing to certain secondary effects such as the series parasitic resistance of the source and
the mobility degradation owing to the transversal field in the channel region, to obtain the
targeted transconductance value it is mostly necessary to increase the drain current.

The PSpice simulation result of the circuit after a fine-tuning is shown in Fig. 4.21(c).
To adjust the total voltage gain to 40 dB, the drain currents of the stages were
increased. In addition, to use the same bias voltages for the gain stages and both of the
Q-enhancement circuits, the channel widths of the gain stages were changed to
appropriate values and the gate bias resistor of the second stage is used to adjust the Q
of the first stage. The parameters corresponding to the frequency characteristic shown
in Fig. 4.21(c) are as follows.

MI11, M21, M12, M22, M13, M23: W=44 um, L=0.35 pm

M101, M301: W=46 um, L=2.4 pm
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M102, M302: W=20 um, L=0.35 um
Li=L,=L3;=10nH, 0=10

C, =445 fF C, =520 {F, C3=235 {F
Rgi=Rg3=40Kk, Rgo=14k
Cc1=Cc2=Cc3=1pF

C,1 =250 fF C3 =410 fF.

Amplifiers loaded with coupled resonance circuits

Amplifiers loaded with a pair of “coupled” resonance circuits, individually tuned to the
center frequency of the band, were extensively used to obtain a reasonably flat fre-
quency characteristic in a limited band, since the early days of radio. Although the
resonance circuits are tuned to the same frequency, the transfer function of the circuit
exhibits two pairs of conjugate poles having different imaginary parts, as in Fig. 4.18(a).

In earlier realizations, the main application area of these “double-tuned amplifiers” was
to intermediate frequency (IF) amplifiers of all types of super-heterodyne receivers. The
standard IF frequency was around 450 kHz with a bandwidth of 9 kHz for AM receivers
and 10.7 MHz with a bandwidth of 150 kHz for FM receivers. The advantages of this
approach were a reasonably flat response within this relatively narrow band, with only one
amplifying stage, and the ease of the tuning procedure. Magnetic coupling is usually
preferred to couple the resonance circuits, but it is possible to show that any approach that
provides interaction among the resonance circuits gives similar results and it is possible to
use the same basic equations, after an appropriate parameter conversion.

With the recent availability of computer-based tools, on-chip inductors can now be
designed with reasonable precision together with their parasitics, and consequently, the
capacitively or inductively coupled resonance circuits can be considered as compon-
ents of integrated circuits.

Magnetic coupling

The basic form of a magnetically coupled circuit is shown in Fig. 4.22(a). The res-
onance frequencies of the two resonance circuits are the same and will be shown as y,

Ck
k 1—-"-—1 R
. .
Ly Ly
C, = L L, L C, Cl == L L2== G, Cel = G,

ry ) r L&) " 2

T\

\
Cp

@ (b) ©

Figure 4.22 The basic form of (a) a magnetic-coupled, (b) a capacitive voltage-coupled and (c) a
capacitive current-coupled double-tuned circuit.
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but L; and L, are not necessarily equal. The coupling coefficient is shown as k and
equal to M /+/LiL,, by definition. The current source driving the first resonance circuit
can be considered as the voltage-dependent current source of any type of high-output
resistance amplifying stage. The losses of the input side and the output side were
lumped as r; and r,.

The transfer impedance of the circuit given in Fig. 4.22(a) can be written as

V2 sM

= 4.52

11 (1 +S?‘1C1 +SZL1C1)(1+S?‘2C2 +S2L2C2)—S4M2C1C2 ( )
with

) 1 1 1 1
wo = = — 1= =
LGy LG wCyry @ Cary

Equation (4.52) can be arranged as

1% Mot

2 _ sMwy010» (4.53)

I (201 + s + @i 01)(520s + swo + 0§02) — s*k2 010>

To ease the calculation of the poles the fourth-order term of the denominator can be
arranged as

s*010:(1 — k) =5'010:(1 — k)(1 + k)
which permits us to re-write the denominator as
(501 (1 — k) + swo + 001)] [(s° Q2 (1 + k) + s + 3 01)]
which yields two pairs of conjugate poles as

;o () . () _ _
A= g —n g —n VA

_ [N} . (N
20,(1+5) 1 0a(1 +4)

Since 40%(1 — k) > 1 and 405(1 + k) > 1 for small values of k, the poles can be

405(1 +k) — 1

/
S2,S2 =

written as
I~ o . o
SI’SIZ_ZQl(l—k)$J =7
e Wo . o
R0+ k) VT Rk

Since usually k<1, these expressions can be even further simplified as

f D d
S1,8) =2 2Q1(1—k)w0<1+2> (4.54)

’ (N k
>0 12 4.
82,8, 2Q2(1 -‘rk) 600< 2) ( 55)
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with
(I-k)=1,0+k=21 1/VI—k=21+(k/2)and 1/V1+k=1-—(k/2)
From (4.54), (4.55) and Fig. 4.18(a) it can be concluded that;

e to obtain pole pairs appropriate for Butterworth or Chebyshev responses the real

parts of the poles must be equal:
(N (o))

T T20(0-k 20,(1 1k (456

and for k< 1,
O =20,=0 (4.56b)

e to obtain a second-order Butterworth-type frequency characteristic the positive
imaginary part poles must be positioned as shown in Fig. 4.23(a). The corres-
ponding k values and the bandwidth can be calculated from the geometry of the
figure:

IG\=%:wo§=> k:é (4.57)
280 =2x (V2jo]) = \/E% = B=2Af = \/Eféo (4.58)

From the comparison of (4.58) and (4.25) we see that the bandwidth of a double-tuned
circuit with maximally flat frequency response is /2 times larger than that of a single-
tuned circuit, having the same Q value.

The positioning of poles for a Chebyshev-type frequency characteristic is shown in
Fig. 4.23(b). The shift of the poles in the horizontal direction with respect to the poles
of a Butterworth-type response having the same bandwidth, corresponding to a certain

jo jw

W] =) 1+;

W] =W,

(a) (b)

Figure 4.23 Positions of the poles (a) for a maximally flat (Butterworth-type), (b) for an equi-
ripple (Chebyshev-type) frequency characteristic.
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ripple value, was given in Section 4.3. For example, to obtain a Chebyshev-type
frequency characteristic with 0.5 dB ripple, from the geometry of the figure,

o k 1 1 V2
(0)c 0 0.709% o 5 = k 070500 (4.59)
200 = 2XV2Xw ]—‘:ﬁxw L :>B:2Af:2><f—° (4.60)
) °70.7090 0 '

From the comparison of (4.60) and (4.25) we see that the bandwidth of a double-tuned
circuit with 0.5 dB ripple Chebyshev-type frequency response is twice as large as that
of a single-tuned circuit, having the same Q value.

Example 4.6 A double-tuned amplifier has a load as shown in Fig. 4.24(a). The center
frequency of the response is 2 GHz. Effective quality factors of both sides were
adjusted to 20 with an appropriate Q-enhancement circuit, which corresponds to a
parallel effective resistance of R,; = R,> =2512 ohm.

(a) Calculate the magnetic coupling coefficient for a maximally flat response and
corresponding bandwidth.

v,li; (dB)
70
k
7, TN
° ° T 60 VA AN
G \
i Ryll G Ly Ly G| Ry v /,6/ N B
| /o N\
. 50
77 NN
Li=L,=10nH,  C,=C,=6351F
0, = 0, = 20 (enhanced) = R}, = R, = 2512 ohm 40
1.8 1.9 2.0 2.1 2.2
Frequency GHz)

(a) (b)

Figure 4.24 (a) The equivalent circuit of the output side of the amplifier. (b) Frequency
characteristics of the double-tuned circuit for (A) k= 1/Q (maximally flat response) and (B)
k=1.41/Q (0.5 dB ripple Chebyshev response). The response of a single-tuned circuit (C) is also
given for comparison.'’

"' It can be shown that the magnitude of the transfer impedance corresponding to kQ = 1 at wy is half of the
resonance impedance of the single-tuned circuit. To ease the comparison, the response of the single-tuned
circuit is shifted by —6 dB.
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The value of the coupling coefficient can be calculated from (4.57):

11
k=—=-—=0.05
0 20

According to (4.58) the bandwidth is

fo 2x10°
B=v22 -2 = 141 MH
\fQ V2 50 z

(b) Calculate the magnetic coupling coefficient for a 0.5 dB ripple Chebyshev-type
response and corresponding bandwidth.

From (4.59)
k—g—z—‘f—omm
From (4.60)
B= 2></:Q0 —2x 22(1)09 — 200 MHz

(c) Plot the frequency responses with PSpice simulation.
Results are given in Fig. 4.24(b) that fit the calculated values.

Problem 4.6 A cascode amplifier stage with a double-tuned circuit load will be
designed. The target values are:

center frequency: fo=1 GHz,

voltage gain at 1 GHz: 20 dB,

bandwidth: 2Af= 120 MHz,

type of the response: 0.4 dB ripple, Chebyshev-type,

technology: AMS 0.35,

available on-chip inductors: 5 nH (Q=6 at 1 GHz), 10 nH (Q=15.7 at 1 GHz), 15
nH (Q=4.7 at 1 GHz),

quality factors of the on-chip capacitors: Q =50,

power supply: +3.2 V.

(a) Determine the positions of poles of the gain function and then calculate the
effective quality factors corresponding to these poles.

(b) Calculate the value of the negative resistances necessary to enhance the actual Q
values to the calculated Q values (assume the output resistance of the cascode
circuit is negligibly high).

(c) Calculate the magnetic coupling coefficient, k.

(d). Calculate the resonance capacitances, the parasitics included.
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(e). Calculate the transconductance of the cascode stage.

(f) Simulate the circuit and plot the frequency characteristic (the idealized equivalent
circuit of the cascode amplifier can be used).

(g) Check the effects of the + 10 % and + 20 % spread of the k value.

Capacitive coupling

To establish an interaction among the two resonance circuits there are other possi-
bilities, as shown in Fig. 4.22(b) and (c). The circuit in Fig. 4.22(b) is called the
capacitive voltage-coupled double-tuned circuit. The expressions related to this case
have similar forms to the expressions derived for magnetic coupling. The coupling
capacitance value corresponding to a certain value of the magnetic coupling coeffi-
cient, k, is given as [29]

k
C()%\/L]Lz
The negative sign indicates that the capacitive voltage coupling is equivalent to a

negative magnetic coupling.
For the capacitive current coupling shown in Fig. 4.22(c), C, can be calculated as

1
a kw%\/Lle

Cp = — (4.61)

Gy = (4.62)

It must be noted that

e expressions given for the capacitive coupling were obtained for high-Q circuits,
therefore a fine-tuning with SPICE simulation is needed for low-Q circuits;

e the center frequency shifts downward for the capacitive voltage coupling and upward
for the capacitive current coupling, owing to the effect of the coupling capacitor.

Example 4.7 Calculate the value of the coupling capacitance for the circuit shown in
Fig. 4.24(a) to obtain a 0.5 dB ripple Chebyshev-type response. Assume that there is
no magnetic coupling.

From (4.61)

0.0707
G = : = 45 fF
(2mx2x10°)%\/(10-%)(10-%)

The gyrator: a valuable tool to realize high-value on-chip inductances

A tuned amplifier can be interpreted as a “band-pass filter” that amplifies (passes) the
frequencies in a certain band and does not amplify (stops) all other frequencies.
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Several types of filters, especially band-pass filters and low-pass filters, are being used
extensively in telecommunication systems. Filters were one of the main subjects of
network theory during the 1940s and 1950s and have been investigated in depth.
Several methods have been developed to design a filter that fulfills the requirements
related to the pass-band, stop-band and impedances. These filters were “passive” filters
that were composed of passive components: capacitors, inductors and resistors.

Analog and digital “active” filters have been the result of the developments of IC
technology. For one of the types of analog active filter the methodology of the well-
investigated passive filter theory can be directly applied; the inductive elements in
these filters are not “real” inductors, but are “emulated” with an electronic circuit
called a “gyrator” and a capacitor. With this approach, relatively high-value induct-
ances (not possible to realize as an on-chip component) can be integrated, and filters
can be realized at relatively high frequencies that could not be reached with op-amp
based active filters.

As will be shown below, a gyrator can be easily realized with a number of trans-
conductance amplifiers (OTAs). That is why the gyrator-based filters are also called
“G-C filters”, as specific members of the broader “G,,-C filters” family.

The “gyrator” was described (or invented) by B. D. H. Tellegen with a purely
theoretical approach in 1948 [30]. After a systematic classification of linear two-
ports, Tellegen noticed that there must exist a yet-unknown two-port satisfying the

expression
i] o 0 G A4
(1) -(% 0)C) (49

He named this hypothetical two-port the “gyrator” and offered a symbol shown in
Fig. 4.25(a).

It can be shown that a gyrator can be realized with two ideal voltage-controlled
current sources, as shown in Fig. 4.25(b), or with two ideal OTAs, as shown in Fig. 4.25(c),
and in addition, the G parameters of the current sources do not have to be equal [31].
Consequently, the describing expression of the circuit shown in Fig. 4.25(c) becomes

<2) = (_;)ml ggz) (2) (4.64)

The input impedance of a gyrator loaded with a load admittance Y, can be easily
calculated:
Vi - Yz

ih=—Yvy = —guVi, 1 =gmV2 = Z1=——=
I Em18m2

(4.65)

The practical importance of the gyrator can be best appreciated by connecting a
capacitor to the output port as shown in Fig. 4.26, and then calculating the input
impedance of the circuit. In this case, since Y, =sC, (4.65) can be arranged as

C C

Z =5 = L= (4.66)
Emi18m2 Em18m2
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v > C v, N AN O OIS
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Vi V2
b 1
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Figure 4.25 (a) The original symbol of the gyrator. (b) Realization of a gyrator with two voltage-
controlled current sources and (c) with two OTAs.

A\\/

1 ail

-l_ LY_I -
Y,

Figure 4.26 Gyrator-based inductance realization.

Expression (4.66) shows us that the input impedance of a capacitance-loaded ideal
gyrator is equal to the impedance of an ideal inductor. Therefore, the input port of the
circuit can be used to replace an inductor. This means that the high inductance values
that are not possible to realize with on-chip inductors can be realized with a gyrator
and an appropriate load capacitor on the chip.

Example 4.8 A 10 pH inductance is needed. The transconductance values of the
OTAs that will be used to implement the gyrator are 0.5 mS each. Calculate the value
of the capacitor to be connected to the output port of the gyrator.

From (4.66)

C = Lgmigm = (10x107)(0.5x1073)(0.5x 1073) = 2.5 pF
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= (a)

(b)

Figure 4.27 Realization of floating inductances: (a) with single-ended input, single-ended output
OTAs, (b) with symmetrical OTAs.

It must be noted that one terminal of this “emulated” inductor is connected to
ground. In many applications, however, floating inductors are needed. A floating
inductor can be realized between two circuit nodes a and b, as shown in Fig. 4.27(a)
and (b) [32].

Parasitics of a non-ideal gyrator

Up until this point we assumed that the OTAs used to compose a gyrator were ideal. In
reality they have a finite input capacitance (C;), a finite output capacitance (C,) and a
non-zero output conductance. In addition, the transadmittance function does not have a
flat frequency characteristic but rolls-off at high frequencies, which can be expressed
as a one-pole gain function as given in (3.76). Consequently, all these non-idealities
must be taken into account to characterize the realized inductance.

In Fig. 4.28 a “real” gyrator is represented with an “ideal” gyrator and the input and
output parasitics of the circuit. For simplicity, we will assume that OTAs are realized
with the circuit given in Fig. 3.32. The output capacitance C, is the sum of the input
capacitance of OTA2 (the gate capacitance of the input transistor) and the sum of the
drain capacitances of the transistors connected to the output node of OTA1. The output
conductance g, is the sum of the output conductances of the output transistors of
OTALl. Therefore the total load admittance of the gyrator, Y, is the sum of these
components and the external load capacitance, Cy.

The input parasitics, C; and g;, are similar to their output counterparts. Since they are
connected in parallel to the input impedance Z; to be calculated, they will first be
excluded to simplify the calculations, and will be added later.
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Figure 4.28 Gyrator with its input and output parasitics. Note that g, =g, and C, =(C, + Cp).

The gain of a typical OTA can be expressed using a one-pole gain function as given
in (3.66):
1
Ym = 8mSp T
T )

Now with Y, = g, 4+ sC, (4.65) can be written as

Y
7, =
Ym1Vm2
1
T A 4.67
8m18m25p15p2 ( pl) ( p2) (g2 2) ( a)
Zi(w) = (i + 1) (jo + o) (g2 + jorCs)

Em18m2Wp1 Wp2

It is convenient to simplify this expression assuming that the poles of the two OTAs
are identical:

Zl (a)) =

. 2 .
p

The imaginary part of the input impedance can be calculated as

C
Im{Z,} = w( R, S ) (4.68a)
Emi18m2 wpgmlng
and for w > w,,
C
Im{Z,} = a)< 2 ) = wL (4.68b)
gm18m2

The real part of the input impedance, which corresponds to the series resistance of L, is

&2 w?

Em18&m2 COIZ) Em18&m2

Re{Zl} = (gz + 2pr2) =TrL
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n, Teff

—T —T

Zl eff -

Zl eff

(a) (b)
Figure 429 (a) The equivalent circuit of the input impedance of a gyrator, loaded with a

capacitor, the input parasitics included. (b) The simplified equivalent circuit.

Tegr (), Im{Z, }

Teff (0) -7

 (linear)
AN

X

Figure 4.30 Variations of r.g (solid line) and the imaginary part of Z; (dashed line) with
frequency, for g; < (2/w,L). Note that the frequency axis was chosen as linear to show the linear
dependence of the imaginary part. The slope of the dashed line is equal to L.

since usually 2w,C, > g, ri. can be simplified as

o & o 20

:gmlng COpgmlng

L (4.69)
which represents the losses of the inductor that appears at the input port of the gyrator.
The total (effective) input impedance of the gyrator, including the input parasitics, is
shown in Fig. 4.29(a). It is apparent that g; adds on to the total losses of the inductor
and decreases the quality factor and C; leads to resonance at an angular frequency
equal to wy = /LC;.

The effective resistance of the inductor together with the effect of g; can be
calculated as

2,2
Teff 210+ L°g;

2 4.70
:gZ_szz(_gi> (4.70)
Em1&m2 pr

In Fig. 4.30 the imaginary part of Z; from (4.68b) that is proportional to L and
the effective series resistance of L from (4.70) for g < (2/w,.L) are plotted as a
function of w. From these plots it can be seen that
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e the slope of Im{Z,} is constant and equal to L;
o for gi < (2/w, L), remr(w) decreases with frequency and crosses zero at w,, which
can be calculated as

& 1
8mi18m2 [ 2 (w%L _ gi)

(4.71)

and then becomes negative. If L resonates with a capacity at a frequency higher than
wy, the circuit oscillates

o for gi>(2/w, L), rer(w) is always positive; therefore there is no risk of instability
e the quality factor of the inductor for any w is

Lo Lo
Qerr () = ren(@) & _ g2 (L _ gi) #-72)

Zmi1&m2 w,L

From (4.72) it can be concluded that

e the effective quality factor of the emulated inductor increases with the transcon-
ductances of OTAs and decreases with the input and output conductances;

e for g < (2/w, L) the circuit has an inherent Q-enhancement feature. For frequencies
approaching w, the effective quality factor sharply increases and reaches infinity at
= w,, where the effective resistance of the inductor becomes zero;

e for this case, owing to the increased sensitivity of Q.¢, operating with this excessive
Q-enhancement (at frequencies close to w,) is not convenient.

Example 4.9 A gyrator as shown in Fig. 4.28 is formed using two OTAs similar to the
circuit given in Example 3.3. OTAs are used in single-ended input, single-ended
output configuration. The transconductances are g,,; = gm2 = 1 mS, go1 = g0 =84 uS
and f,,; =fp» = 2.62 GHz. The external output load capacitance is Cy, = 1 pF.

In Fig. 4.31 the PSpice simulation results for the real and imaginary parts of the
input impedance are given. The imaginary part linearly increases with frequency
according to (4.68) as expected.'” The inductance value calculated from the initial
slope of the imaginary part curve is 1.21 pH. According to (4.68b), if there were no
parasitic capacitances (i.e. C, = Cy), the value of the inductance should be 1 pH. The
difference arises from the output parasitic capacitance of the gyrator, which can be
easily calculated as 0.21 pF.

The real part of the input impedance for f= 0 that corresponds to r¢(0) is 83.4 ohm,
which is in agreement with the value calculated from (4.69).

12 Note that for frequencies approaching the resonance frequency of the inductance with the input parasitic
capacitance of the gyrator, the imaginary part of the input impedance does not increase linearly any more.
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Figure 4.31 The variations of the real part (solid line) and the imaginary part (dashed line)
of the input impedance of the gyrator.

Problem 4.7

(a) Design a 10 uH inductor with the OTAs used in Example 4.9.
(b) What is the frequency limit of usability for this inductor?
(c) Calculate the effective quality factor at 20 MHz and 50 MHz.
(d) Compare the results with the results of PSpice simulation.

Dynamic range of a gyrator-based inductor

The voltage swing between the terminals of a gyrator-emulated inductor is limited by
the maximum output voltage of OTA1, which depends on (and is usually approxi-
mately equal to) the supply voltage, or by the maximum input voltage of OTA2,
whichever is smaller. A similar limitation holds for the voltage of the output terminal.
To ensure proper operation, the input port swing must not be limited owing to the
output port dynamic range, and vice versa. This means that the maximum output
swings of the input and output ports must be equal, i.e. V; =V, = I (see Fig. 4.32).

From Fig. 4.32 the output port voltage can be written in terms of the input port voltage as

i . 1 1

Vy = — = —]h— =YV _—
2 Y 2 sCr + @ 1&m1 sCr + @
and the magnitude in the « domain is
Vo= VSl oy, SmL (4.73)

VoGt g G
Similarly the input port voltage can be written as

vi=iZy =i (sL+r) = vagm(sL +rp)
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Figure 4.32 Input and output port voltages of a capacitive loaded gyrator.

and the magnitude in the @ domain:

V= Vzgmzy/a)sz + ri = VzgmzwL (474)

The inductance is typically used in resonance with a parallel capacitor, C;. Equa-
tions (4.73) and (4.74) can be written in terms of the resonance frequency, which is

equal to 1/v/LCy,
Eml
Vo=V 4.75
2= N (4.75)
and
gm2
Vi 2 Vool = V>, (476)

woCy

From the condition of equality of the magnitudes of the input and output voltages as
stated above and from (4.75) and (4.76),

gm _ G2

am G (4.77)

To verify this expression, a PSpice simulation is performed. The gyrator given in
Example 4.9 is driven with a 10 pA AC current source from the input port. The input
and output port voltages are plotted for different C,/C| ratios (see Fig. 4.33). It is seen
clearly that the input and output port voltages at resonance are equal for C,/C; =1 as
expected according to (4.77), since g1 = gmo in the example.

The low-noise amplifier (LNA)

LNA is the acronym used for a class of amplifiers, the “low-noise amplifiers”, com-
monly employed as the input stages of wireless receivers. Since the incoming signal
from an antenna is usually weak, the unavoidable noise generated in the amplifier must



4.6.1

4.6 The low-noise amplifier (LNA) 203

1.0 0.8 1.5
/N
4 0.6
; 1.0
| / \
0.5 ] \ 04 A
/ A ™ /
£
/ // \‘\ - 0.5 // N
Y N 0.2 {= / NUCS / N
e ™ =afte
0 0 0
25 30 35 25 30 35 25 30 35
Frequency (MHz) Frequency (MHz) Frequency (MHz)

(a) (b) (©

Figure 4.33 The input (solid line) and output port (dashed line) voltages (in volts) of the gyrator
for different C,/C ratios: (a) C; =C, =35 pF, (b) C; =10 pF, C,=2.5 pF, (¢c) C; =2.5 pF,

be as low as possible, to obtain an acceptable “signal-to-noise ratio” at the output of
the amplifier. Therefore, one of the key design goals for the LNA is a low noise
contribution to the input signal, together with a good impedance matching to the signal
source, a sufficiently large output signal dynamic range and — certainly — a low power
consumption.

Since LNAs are being used as the input stage of receivers, they must be tuned (or be
tunable) to the carrier frequency of the transmitter that we intend to receive. Therefore,
LNAs are inherently considered to be “tuned amplifiers”. The bandwidth of the
amplifier must be large enough to cover the side-bands of the modulated carrier. But
owing to the low Q values of the on-chip inductors, the bandwidth usually becomes
larger than necessary and the signals that remain outside of the modulation bandwidth
must be eliminated by the succeeding stages of the amplifier.

Input impedance matching

The input signal source of the LNA is usually an antenna with the appropriate shape
and dimension to provide the desired radiation pattern (omni-directional or directional
with a specified beam-pattern) at the frequency of interest. The internal impedance of
the antenna at this frequency (which is normally the resonance frequency of the
antenna) has a dominant resistive component corresponding to the radiation losses'’
and a usually small reactive component corresponding to the connection parasitics.

13 From antenna theory it is known that an antenna is reciprocal in one sense; it exhibits similar behavior
to a transmitting or receiving antenna. Since the concept of “radiation loss” is more understandable,
this term has been used even for receiving antennas. It must be noted that the radiation loss is not
constant; it is maximum when the radiation is maximum, which corresponds to the maximum of the
current or voltage, in other words, to resonance. On both sides of the resonance peak, the radiation and,
correspondingly, the antenna loss decrease, leading to further narrowing of the resonance curve.
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If the antenna is located at a distance from the input terminal of the amplifier, a low-
loss transmission line has to be used to connect the antenna to the amplifier. In this
case, to maximize the signal power transfer from the antenna to the amplifier, we must
satisfy:

(a) impedance matching between the antenna and the line,
(b) impedance matching between the line and the input of the amplifier.

Coaxial lines with 50 ohm characteristic impedance'” are the most frequently used
transmission lines'” for single-ended antennas such as monopole antennas. For sym-
metrical antennas such as dipole antennas, folded-dipole antennas, etc., symmetrical
transmission lines can be used to connect to the inputs of a differential LNA. Another

. . 16
solution is to use a “balun”"”

to connect the output of a symmetrical antenna to the
input of a coaxial line. If the antenna impedance is not resistive and not equal to the
characteristic impedance of the line at the operation frequency of the amplifier, an
impedance-matching circuit has to be used to provide a resistive impedance equal to Z,
(or R,) to maximize the power transfer from the antenna to the transmission line. If the
resistive component of the antenna impedance (R,) is equal to R, reactive compon-
ents can be easily compensated by a series matching inductor or matching capacitor, as
shown in Fig. 4.34(a) and (b).

For Ry < R, and Rp > R,, there are several simple solutions. For one of the
solutions for Ry < R,, the circuit diagram, the corresponding phasor diagram and
the design formulas are given in Fig. 4.35. Note that this solution is especially
advantageous for antennas having an inductive component that can be considered as
a part of Ly;.

Problem 4.8 Derive matching circuits similar to that given in Fig. 4.35, which are
suitable for an antenna

(a) having a series capacitive component and Ry < R,,
(b) having a parallel capacitive component and Rx > R,,
(c) having a parallel inductive component and Ry > R,

The use of impedance-converting transformers is another possibility to match the
real part of the antenna impedance to the line.

' The characteristic impedance (Z,) of a transmission line is the impedance for which no signal reflection
occurs when the line is terminated with this impedance. The characteristic impedance of a low-loss
transmission line is equal to y/L/C, where L and C correspond to the series inductance and parallel
capacitance of the line per unit length, and is resistive. To underline its resistive character, R, will be used
for the characteristic impedance, whenever necessary.

1S Other standard characteristic impedance values for coaxial lines are 60 ohm and 75 ohm.

16 “balun” is an abbreviation for “balanced-to-unbalanced” converting circuit.
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Figure 4.34 Impedance matching of a single-ended antenna when the real part of the antenna
impedance is equal to the characteristic impedance of the coaxial line (a) for a capacitive
antenna, (b) for an inductive antenna.
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Figure 4.35 Impedance-matching circuit for Ry < R,, suitable for antennas having a small series
inductive component.

To provide an impedance matching between the transmission line and the input of
the amplifier, the amplifier can be designed such that the real part of the input
impedance is equal to R,, which is usually 50 ohms.

The reactive component of the input impedance (which is usually capacitive) can be
easily compensated with a series inductance, as shown in Fig. 4.36. This is the clas-
sical approach for the design of LNAs.
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Figure 4.36 Impedance matching between a 50 ohm coaxial line and an LNA.
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Figure 4.37 (a) The variation of the real and imaginary parts of the impedance of the inverted-F
antenna given in [33]. (b) The model suitable to represent the behavior of the antenna. L
represents the positive shift of the reactance curve. (c) The model representing the resistive and
reactive parts of the antenna impedance.

In the widest application area of LNAs today, namely the wireless systems such as
mobile telephones, GPS receivers, etc., the antenna is built on the same board with the
LNA chip and close enough to eliminate the need for any transmission line in between.
This means that the adherence to the 50 ohm standard for the input impedance of
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LNAs has no meaning any more (except the ease of measurement and characteriza-
tion). Therefore, LNAs must be designed to satisfy the matching with the impedance
of the antenna that is intended to be used. An even more realistic approach is the
co-design (or, at least interactive design) of the antenna and the amplifier. The fol-
lowing discussion serves to illustrate the importance of such considerations.

The most frequently used on-board antennas in mobile systems are folded-dipole
and folded-loop antennas to drive the differential LNAs, and inverted-F antennas to
drive the single-ended LNAs. There are many publications about these types of
antenna, but they are mostly focused on the radiation pattern and the return-loss (or the
SWR) when the antenna is driven with a 50 ohm line. Variation of the impedance with
frequency, however, is investigated only in few publications.

One of the extensively used types of on-board single-ended antenna is the “planar
inverted-F antenna”. These types of antenna are suitable to be realized on the multi-
layer board of the receiver and provide a fairly omni-directional radiation pattern. The
resonance frequency and the impedance of inverted-F antennas strongly depend on the
structure and dimensions. For one of the published inverted-F antennas [33], the real
and imaginary parts of the impedance are given as shown in Fig. 4.37(a).

It can be seen that there is an apparent resemblance between these curves and the
curves of the real and imaginary parts of the impedance of a parallel resonance circuit.
The positive shift of the reactive part indicates that the model includes a series
inductance, as shown in Fig. 4.37(b). It must be noted that the parallel resistance
representing the radiation losses is not constant; it is minimum at the resonance fre-
quency and increases with de-tuning on both sides of the peak. The equivalent circuit
of the antenna in terms of its resistive and reactive components is given in Fig. 4.37(c).

From the curves given in Fig. 4.37(a), it can be seen that

e the resonance frequency of the antenna is 1.87 GHz, where the antenna is most effective;

e the resistive and reactive components of the antenna impedance at resonance fre-
quency are Ry, =210 ohm and X, = +75 ohm, respectively;

e therefore, for maximum signal transfer from the antenna to the input of the LNA,
the input impedance of the LNA at 1.87 GHz must be r; =210 — j75 ohm, in other
words 210 ohm in series with a 1.147 pF capacitance;

e if f;, the center frequency of the LNA, is not equal to 1.87 GHz, the antenna must be
modified to shift the resonance frequency to f;

e from the resistance curve it can be seen that at approximately 2 GHz the antenna
impedance is purely resistive. If the antenna is loaded with a 50 ohm line, the return
loss certainly becomes minimum at this frequency, as given in [33]. But since the
antenna is not operating at the resonance frequency, the overall signal efficiency
becomes considerably lower than the efficiency of the antenna operating at resonance.

Basic circuits suitable for LNAs

The real part of the impedance of an antenna at the resonance frequency is low; usually
in the range of some tens of ohms to hundreds of ohms. To enable maximum signal
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Figure 4.38 (a) The input loop of an LNA. (b) The usually valid input impedance equivalent of
an LNA. (c) The series R-C equivalent of the input impedance that can be directly used in (a).

power transfer from the antenna to the input of the amplifier, the real part of the input
impedance of the amplifier must be equal to that of the antenna. This means that the
LNA must be a low input impedance amplifier. The imaginary parts can be eliminated
by resonance at the frequency of operation, f;, with the addition of an inductive or
capacitive reactance into the loop, as shown in Fig. 4.38(a).

It must be noted that the input impedance of an amplifier is usually a parallel
combination of a capacitance and a resistance, as shown in Fig. 4.38(b). To investigate
the matching conditions, it is convenient to use the series equivalent of the input
impedance, as shown in Fig. 4.38(c). The conversion formulas can be easily derived as

=i — L (4.78)
1+ (- Cprp) (- Cpryp)

As seen from (4.78), r; and C; are frequency-dependent and must be calculated for
w = Wy.

The output of the LNA drives the output resonance circuit that is also tuned to f;. To
prevent the loading of the output resonance circuit, the output resistance of the
amplifier must be as high as possible. Consequently, the appropriate configuration for
an LNA is a low input impedance-high output impedance circuit. The voltage gain of
the LNA is determined by the transconductance and the load impedance. Therefore, it
is appropriate to characterize the amplifier with its input and output impedances and
the transconductance, g,.

ri=r"p
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Figure 4.39 The basic circuits suitable to use as an LNA: (a) the common-gate amplifier, (b) reduction
of the input impedance of a common-source amplifier with parallel voltage feedback, (c) the source
degenerated and cascoded LNA, (d) the current mirror input cascoded circuit.

There are several circuit topologies that fulfill the low input impedance and a high
output impedance conditions. Additional factors include high transconductance, low
internal feedback, low power consumption and low noise.

In Fig. 4.39, the most basic circuits that fulfill the impedance conditions are shown.
The basic properties of these circuits are summarized below. Differential (symmet-
rical) versions of these amplifiers are convenient for differential antennas, i.e. all
versions of dipole antennas. The noise performances of these amplifiers will be
compared later on, after the investigation of the noise performances of amplifiers.

The input impedance of the common-gate amplifier shown in Fig. 4.39(a) is the
parallel combination of 1/g,, and the input capacitance of the transistor. According to
(4.78), the real part of the input impedance is approximately equal to 1/g,, for fo < fr,
where f; and f7 are the frequency of operation of the amplifier and the high-frequency
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figure of merit of the transistor, respectively. The real part of the input impedance can
be made equal to the real part of the antenna impedance, with an appropriate design of
the aspect ratio and the quiescent current of the transistor. The output resistance is high
as derived in Section 3.3, and its loading, on the output resonance circuit is negligible.
Since there are no direct parasitics between the output and input nodes, the internal
feedback also is negligible. Consequently, the common-gate amplifier must be con-
sidered as one of the usable candidates for LNAs.

It can be shown that the input impedance of a parallel voltage feedback amplifier
shown in Fig. 4.39(b) becomes equal to the parallel combination of 1/g,, and the input
capacitance of the transistor, provided that g4s < g, and (1/Rg) < g, This means that
it is a low-input impedance circuit. But it must be kept in mind that the parallel voltage
feedback also decreases the output impedance of the amplifier. Therefore, owing to the
excessive loading of the output resonance circuit, this is not a good candidate as a
tuned LNA, but can be used as a wide-band LNA with an appropriate resistive load.

The circuit shown in Fig. 4.39(c) and its differential versions are the most widely
used circuits as LNAs. The use of the cascode configuration to reduce the output to
input feedback is useful, even necessary, as explained in Section 3.4. Since the cascode
circuit exhibits a high output resistance, the loading of the output resonance circuit is
also negligible. As already derived in Section 3.6, the input impedance of the circuit
has a real part equal to gy, 1Ls/Cys that can be designed to obtain a resistance value
equal to the real part of the antenna impedance with appropriate g,,, and Lg values.

The reactive components of the input impedance can be eliminated by resonance
together with the reactive part of the antenna impedance and an additional series
reactance, as shown in Fig. 4.38(a). An additional advantage of the circuit is the
voltage increase at the G-S port of the transistor owing to the series resonance, as
explained in Section 4.1.2.

The input impedance of the circuit proposed in Fig. 4.39(d) is determined by M1, of
which the input impedance is the parallel combination of the 1/g,, and the input
capacitances of M1 and M2. M2 is the second transistor of the current mirror that is
cascoded with M3 to reduce the internal feedback. The gain of the circuit can be
enhanced when the current transfer ratio of the current mirror is higher than unity. The
obvious disadvantage of the circuit is higher power consumption owing to the second
DC current path and the additional noise owing to the third transistor.

Noise in amplifiers

At this point, it is worthwhile to examine the notion of noise, and modeling of noise in
fundamental circuits. Amplifiers are being used to enhance the signal that is generated
by a weak signal source; for example the signal generated by a microphone (which is
proportional to the sound pressure), connected to the input of an audio amplifier, or the
signal at the output of an antenna applied to the input of a receiver, which is pro-
portional to the electromagnetic field strength at the tuning frequency of the receiver.
In addition to the original signal to be amplified, there is usually a physical phe-
nomenon that disturbs the amplified signal in a certain way: for example the
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high-frequency “hiss” that we hear from the loudspeaker connected to the output of the
audio amplifier when the input signal level is low, or the random speckles we see on
the screen of a TV receiver when we receive from a distant transmitter. This phe-
nomenon is called “noise” and is generated in all kinds of resistors and devices like
diodes and transistors, owing to the random motions of electrons. In the scope of this
book we will concentrate on the noise of LNAs. But it must be kept in mind that the
physical mechanisms and the basic definitions are common for all kinds of amplifiers.

LNAs are being used to receive and amplify weak signals transmitted by distant
transmitters, which may be fixed or mobile, or installed on board a satellite. The total
signal received at the input of the amplifier does not only consist of the signal sent by
the transmitter,'” but in addition, it includes the unavoidable noise signal originating
from the internal resistance of the antenna. To obtain a sufficiently high level of signal
power with a reasonable signal-to-noise ratio (S/N) at the output of the LNA, the noise
inherently generated in the amplifier must be kept as low as possible.

The noise performance of an amplifier is usually expressed by the “noise factor”, F,
that is defined as

(S/N)

F= W (4.79)

output

The LNA amplifies equally the incoming signal and the input noise generated in the
signal source. For a noiseless amplifier the output signal power and the output noise
power are equal to the gain multiplied by the input signal and the input noise power,
respectively. Therefore the noise factor of a noiseless amplifier is equal to unity. In a
noisy amplifier, on the other hand, the output noise is the sum of the gain times the
input noise and the output noise component representing the noise generated in the
amplifier. From this consideration and (4.79) it can be concluded that

total output noise power

= . . . . (4.80)
output noise component owing to the input noise power

and

Felg output noise power component generated by amplifier

- - - (4.81)
gain X input noise power

The “noise figure”, NF, which is also being used to express the noise performance of
an amplifier, is the noise factor expressed in “decibels”:

NF(dB) = 10xlog F (4.82)

The noise generated in an amplifier mainly originates from the random movements
of charge carriers in resistors and devices, owing to their thermal energy. Apart from

17" In addition to the signal of interest sent by the transmitter, certain natural (atmospheric, cosmic, etc.) and
man-made (originating from switching of power lines, corona discharges, etc.) noises can reach the input
of the amplifier. Since these “external” noises are all sporadic and in some cases avoidable to some
extent, they will be kept out of this discussion.
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this “thermal noise”, there are several other types of noise: the partition noise, the
multiplication noise, the flicker (or 1/f) noise, etc. But since these other noise com-
ponents are usually effective at lower frequencies and/or dominated by the thermal
noise, they can be ignored for LNAs.

The thermal noise was first observed and measured by J. B. Johnson in 1928 and
interpreted by H. Nyquist who derived an expression giving the value of the noise
power in a conductor owing to the random movements of electrons:

P, = 4kTB (4.83)

where k is the Boltzmann constant (1.36 x 10”2 joules/K), T is the temperature of the
conductor in K, and B is the bandwidth of interest. B can be placed anywhere on the
frequency axis, indicating the “white” (frequency-independent) character of the noise.
Expression (4.83) shows that the noise power is the same for all conductors for a
certain temperature and for a bandwidth of interest, regardless of the material and
shape of the conductor.

Thermal noise of a resistor

If the electrical resistance of a conductor is R, the noise power can be expressed in
terms of the mean square noise voltage between the terminals of the resistor, or the
mean square noise current flowing through the resistor as

1
P, =*XR or Pn:vflxﬁ

Consequently, the root mean square (effective) values of the noise current and the
noise voltage can be written as

_ 1
=1/ 4KTB - and ¥, = VAKTBX R (4.84)

and the noise equivalent circuit of a resistor can be drawn as seen in Fig. 4.40.

To ease the comparison of noise behavior of different devices (or circuits) and to
conform with the existing noise measurement systems that usually measure the noise
in a narrow band, it is common practice to express the noise for a 1 Hz bandwidth.

x

R P, = 4kTB R iy

P, = 4kTB v,=\/ 4kTB X R in="\/ 4kTB/R
(a) (b) ©

Figure 4.40 (a) A resistor and the associated noise power. The noise equivalent circuit with the
noise voltage source (b), and with the noise current source (c).
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Hence, the mean square noise voltage and the mean square noise current for a 1 Hz
bandwidth can be written as

Ve |y, = 4TXR =S, and i,

= 4kT/R = S;, (4.85)

B=1Hz

called the “spectral density” of the mean square noise voltage and noise current,
respectively.

Problem 4.9

(a) Calculate the thermal noise voltage and thermal noise current of a 50 ohm
resistance (i) for 30°C, (ii) for 100°C (the bandwidth of interest is 10 MHz).

(b) Calculate the thermal noise voltage and thermal noise current of a 1000 ohm
resistance for the same temperatures and the same bandwidth.

(c) Compare and discuss the results.

Thermal noise of a MOS transistor

The thermal noise of a MOS transistor was investigated and modeled by A. van der
Ziel in 1986 [34]. In the physical structure of a MOS transistor there are several
“resistances” as shown in Fig. 4.41, that generate noise according to (4.84).

The total resistance between the external source node (S in Fig. 4.41) to the external
drain node (D) of the transistor is the sum of the source series resistance (Rg), the
channel resistance (R,) and the drain series resistance (Rp). The source series resistance
(and similarly the drain resistance) is the sum of the intrinsic and extrinsic components
and the equivalent contact resistance, as explained in Chapter 1. The source and drain
series resistances are obviously technology- and geometry-dependent and can be more
than one hundred ohms for small transistors and several ohms for large transistors. The
gate series resistance, another noise source, is also technology- and geometry-dependent
and can be minimized with appropriate finger structures [35].

Figure 4.41 The MOS transistor with its noise generating resistances.
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Figure 4.42 The cross-section of a MOS transistor in saturation and components of the series
resistances of the drain current path.

It is known that the strongly dominant part of the MOS transistor noise is the
thermal noise associated with the channel resistance [36]. In several publications this
noise is investigated as the sum of the noises of the pre-pinch-off region of the channel
and that of the pinched-off region [37], [38], [39]. On the other hand, it has been shown
that the effect of Vg, consequently the contribution of the pinched-off region on the
drain current noise, is negligible [40], [41].

In this section, the noise associated with the channel resistance of a MOS transistor
operating in the saturation region will be derived with a similar but more straight-
forward approach based on the expression derived in Chapter 1 for the inversion
charge.

The cross-section of a non-velocity saturated NMOS transistor in the saturation region
is shown in Fig. 4.42. According to (1.7), the effective gate voltage (and the inversion
charge that is proportional to the effective gate voltage) varies with the square root of y,
until the pinch-off point, I, that corresponds to a channel voltage of (Vpg — V). Along
the saturation region (from L’ to L) electrons travel with the saturation velocity, vy, and
the inversion charge density is constant (see Fig. 1.6). It is obvious that these two
sections of the channel resistance shown as r; and r, are different in nature and, as
mentioned above, from the point of view of noise, the strongly dominant part of the
channel resistance is r;. The value of r; corresponding to R, can be calculated based on
the modified gradual channel approach developed in Chapter 1. The resistance of a
channel element dy before the pinch-off point can be written as

dv.
Ip

dr(y) = (4.86)
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and the drain current, which is constant along the channel, is

Ip = @ (4.87)

where dQ;(y) is the inversion charge in the dy channel element that was calculated in

Chapter 1 (1.37) as
d0i(y) = ~Coul¥ (Vos = V1)) [1 = % dv

dr in (4.87) can be written as

v d d
== 2l (4.88)

TV RE()  —ul(dVe/dy)

From (4.86), (4.87) and (1.37) the resistance of a channel element dy can be calculated:

dr(y) = dy (4.89)
,uCOXW(VGs — VT) 11— %

The integral of dr(y) from y=0 to y=L' gives the value of the first (pre-pinch-off)
section of the channel resistance:'®

2
Ry = 4.90
S uCo ¥ (Vas — V) (4.90)
where L' must be considered as
1+ A(Vgs — V-
o - L AVes =) (4.91)

1+ AVps

according to (1.14b). It must be also noted that ¢ in (4.90) is a function of Vg, as
mentioned in Section 1.1.2.1. and Appendix A.
Equation (4.90) can be arranged as

(Vas — V)

R =
ch [D

(4.92)

which is — not surprisingly — the DC resistance of the inversion region.
If we insert (Vgs — V) in terms of Ip, (4.92) can be re-written as

2
Ren=\|77Fw 4.93
o [D,u Cox% ( )

(4.94)

or in terms of g,

Ry =
Em

'8 Note that this is equal to 2/g4,, Where gqo is the output conductance corresponding to Vpg — 0, in the
original noise expressions of van der Ziel [34].
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These expressions can be interpreted as follows.

e R, decreases with the square root of the drain current, Ip.

e R, decreases with the square root of the aspect ratio.

e R, decreases with the square root of the mobility. The bias dependence of the
mobility must not be ignored for small-geometry devices.

e Since the mobility of holes is considerably smaller than the mobility of electrons,
the channel inversion resistance of a PMOS transistor is higher than that of an
NMOS transistor having the same geometry and the same drain current.

e R, decreases with the square root of C,y. This means that the channel inversion
resistance is inferior for a smaller-geometry transistor having the same aspect ratio.

Now the noise current and the noise spectral density corresponding to the channel
resistance of a MOS transistor can be written as
- 4kTB

= == 2kTBgn [A7], (4.95a)

! 4kT
Sich = hna |y, = 7 = 2kT8m [A?/Hz]. (4.95b)
Cl
This expression and the interpretation related to the channel resistance show us that the
channel current noise

increases with the drain current,

increases with the aspect ratio,

is higher at small-geometry devices and

the channel current noise of a PMOS transistor is lower than that of an NMOS
transistor having the same geometry and the same drain current.

As an example, the variation of R, and S;¢, for an AMS 0.35 (W=35 um, L=0.35
pum) transistor as a function of the drain current is plotted in Fig. 4.43. Figure 4.43(a)

R}, (ohm) Sich (A*/Hz)
2000 10722

1600 —
1200 \ /

\ 1072
800
\\
400 —
%0 oa 08 12 16 2 102
: : : . 0 04 0.8 12 1.6 2
Ip (mA) Ipy (mA)

(a) (b)

Figure 4.43 (a) The inversion channel resistance and (b) the drain noise current spectral density of
a 35 pm/0.35 um AMS transistor. (The Vg5 dependence of u is taken into account.)
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l IndT

Ry

Vars1 =\/ 4kTBR,
L 1

(a) (b)

S ]VnRSZ = InatRs

Figure 4.44 (a) The noise voltage of the source series resistance. (b) The noise voltage owing to
the total drain noise current flowing through Rs.

®
f

+
]
P = = = == =

Figure 4.45 The small-signal equivalent circuit used to calculate g,spefn)-

shows that the inversion channel resistance acquires considerably low values for
moderate to high drain currents. Therefore, if the series source and drain resistances
are not sufficiently small compared to R.,, they must not be ignored.

Since the noise contributions of the parasitic internal resistances (Rs, Rp and Rg)
depend not only on the transistor but also on the circuit, they must be investigated for
different configurations separately. For this example, Rp can be considered as the
effective load resistance. To gain insight about the contribution mechanisms of Rg and
Rg, we will calculate their effects for the most basic common-source amplifier.

The source series resistance has two effects on the noise behavior of the transistor.

(a) The noise voltage, vyrsi, generated by the source series resistance of the transistor,
is shown in Fig. 4.44(a). This voltage adds a component to the drain noise current,
equal to i 4, = | ngD(eff)}.T/nRg 1, where gmsperr) 1 the effective transconductance
from the source noise source-to-drain, and can be calculated from Fig. 4.45 as

&m
Rs(gm +joCygs) + (1 +jwCysRa)

ZmSD(eff) = — (4.96a)

8m
(1+ gmRs)® + @?CL(Rs + Rg)’

(4.96b)

|gmsn(eff) ‘ = \/

(b) The noise voltage drop on Rs owing to the noise current flowing through Rg,
which is Vyrsy = ingrRs. This noise voltage provokes a drain noise current equal
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_ TRG2 = ingRa
urat =\/ 4kTBRG ~ | o
il

lng

A i

(@) (b)

Figure 4.46 (a) The noise voltage source owing to the gate series resistance. (b) The noise voltage
source owing to the gate noise current.

Vurs2, Where gisp (eff )' is the effective transconductance of

= . /!
{0 Inpsy = ’gm(S’D)(eff)

the circuit for Rg =0:

/ 8m
—__ em 4.97
&mSD(eff) (1 +jwCeRa) ( a)

8
’g;nSD(eff)’ = 5 (4.97b)
1 + (O)CgSRG)

Another important parasitic resistance of a MOS transistor is the gate resistance,
whose value is strongly layout- and process-dependent. Owing to its distributed cap-
acitance along the width of the transistor, or in the case of a multi-finger structure
along the fingers, the effective value of the gate resistance decreases with frequency.
However, since the externally connected series resistances to the gate usually dom-
inate, the decrease of the inherent gate resistance of the transistor can be neglected.

The contribution of the gate series resistance to the noise is two-fold.

(a) It generates a thermal noise voltage equal to Vy,rG1 = v4kTBRg that is in the input
loop of the transistor and provokes a drain noise current component equal to
indGl = | Zm(eff) ‘\7nkg.'° This is a thermal (white) noise and is not co-related to ingr.
If there is an external resistance connected in series to the gate, it must be considered
together with the inherent gate resistance of the transistor (see Fig. 4.46(a)).

(b) At high frequencies a noise current owing to the noise voltage on the inversion
channel flows over the gate capacitance. This noise current (ing) is not “white”
since it increases with frequency, and is co-related to the inversion channel noise.
The noise voltage drop on Rg owing to this current, V,rgz = fngRg, is another

19 8meefn 18 the effective transconductance defined in (2.13c). If there is an impedance (Zg) connected in
series to Rs, (2.13¢) must be modified as gy(err) = 1/[1 + gm(Rs + Zs)].
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(y)

~—
Rch

Figure 4.47 The gate noise current as the sum of the incremental components.

noise voltage source in the input loop and adds another component on to the drain
noise current inggy = ‘ &m(eff) |\_’nRGz (see Fig. 4.46(b)).

The approach used to calculate the gate noise current (iy,) is shown in Fig. 4.47. The
noise voltage of a channel element dy at position y is

‘_’n(y) = ;nd-”(y)

where ipq is the channel noise current and r(y) is the resistance of the channel segment
from the source end of the channel (y =0) to y, that is equal to the integral of dr given
in (4.89), from zero to y:

0) :ﬂCoszr(iGs - V1) (1 - H) (458)

vn(y) induces an incremental noise current over the incremental capacitance dC, =
CoxWdy, that is

ding = jor(dCy) X Vn(v) = jor(Cox Wdy) X7(y)ina

and hence

_ 2 v y _
Ine = JOCx W / (1—1/1——>d X Ip 4.99
g =) o ﬂcoxL_Wf(VGS — VT) o I7 Ly d ( )

For L= L', and from (1.33) and (1.40) this expression can be arranged as”’
- Cos | )/
|ing | gwgi :wz,/gxw (4.100)

20 1t must be noted that this derivation is valid provided that (1/wCgy) > ry, in other words the noise current
deviated to the gate is sufficiently smaller than the drain noise current.
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where A, which was given in (1.43c), as

2
A= |—E 4.101
Tewars (4101

From (4.100) and (4.101), it can be seen that the gate noise current

is proportional to frequency,

is proportional to the drain inversion channel noise,

strongly increases with L,

is higher for thin-gate oxide transistors,

is higher for wide transistors,

is smaller for higher drain DC currents (for smaller channel resistances).

We have seen that in the composition of the total drain mean square noise current
there are two classes of components: (a) those that are uncorrelated to each other or to
the total noise current and (b) those that are correlated to the total drain noise current.
The sum of the uncorrelated components can be calculated with superposition, since
each of them exists even when the others are zero.

gy = Tng + Inast T fngci (4.102)
where
4kTB
ing = —p— = 2kTBgn (4.103)
Rch
=2 2 -2 2
lnds1 = ‘ngD(eff)‘ Virs = ‘ngD(eff)’ “4kTBs (4.104)
: N 2
iracr = (|@metr)| Vara) = |€m(etr) | -4kTBRG (4.105)

The correlated components can be written as

2
72 2 2 2
Inds2 = g;nSD(eff)‘ Rg - fgr = 01 - iy (4.106a)
where
2
a1 = gllnSD(eff)‘ R§ (4.106b)
2o = 5 2 _ 250 2
hhag2 = (‘gm(cff)|VnRG2) = ‘gm(cff)| RG Lo
o 1N, , (4.107a)
- |gm(eff)| wZ E RG - ivgr = 02 - gy
where

2
2 L /w
ay; = |gm(eff)| ((,L)Z E) RZG (4107].'))
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To find the total drain mean square noise current, all these uncorrelated and
correlated components must be superposed:

2 =2 2 2
IndT = Tngtu T+ Tngs2 T fnaga
(4.108)
=7 +ap - 7’2 —+ a '?
= lhdtU 1" Ingr 2 " Ingr

This expression can be arranged as

2 2 ™ )
2 Indu Ind 1 lhast 1 gt

2o - 4.109
MU = (w4 w)] 1= (@ +a)] (4.109)
or in terms of its parameters,
(gn/2) 2 2
8m/2 +‘gm ff‘ RSJF‘gm ff’ Rq
fngr = 4KTB ey < (4.110)

(1 — (a1 + a2)]

It must be noted that the gate noise current generates a noise voltage also on the
signal source resistance, and adds to the thermal noise of the signal source. For the
noise figure calculations, this component must be excluded from the signal source
noise and included in the amplifier noise.

Example 4.10 1In the following, the contribution of different components of the drain
noise current will be calculated for a 35 pum (7 x5 pum) / 0.35 pum AMS NMOS tran-
sistor at f=3 GHz for 10 MHz bandwidth. The DC operating point of the transistor is
Ip=2mA, Vps=3V.

The parasitic source and drain series resistances of a 5 um/0.35 pm transistor were
calculated as 134 ohm each, in Example 1.3. The 35 um width transistor is composed of
seven 5 wm transistors as a multi-finger transistor, as shown in Fig. 1.23. Since source and
drain regions are shared by the neighboring transistor and since they are connected in
parallel, the source resistance of the 35 um transistor is approximately 134/14 ~ 10 ohm.

Since the poly gate sheet resistance for this technology is given as Ry, =7 ohm/[], the
resistance of one of the gate stripes is 7 X (5/0.35) = 100 ohm. If the gate stripes are parallel,
as shown in Fig. 1.23, the equivalent resistance is 100/7 = 14.3 ohm. Poly to metal contact
resistance is given as 2 ohm/0.4 X 0.4 micron contact. Assuming 10 contacts along the
collecting stripe, the equivalent contact resistance is 0.2 ohm. Together with the resistance
of the collecting stripe, the total resistance series to the gate can be taken as 15 ohm.

The gate-to-source voltage for a 2 mA drain current and the mobility corresponding
to this voltage can be found as 1V and 325 cm?/V.s, respectively. The transconduc-
tance of the transistor for a 2 mA drain current is

gm = \/2><325 X (4.54x10-7)x (2x 10-3) =7.53x107° ~ 7.5mS
and the effective transconductance with Rg= 10 ohm,

7.5%1073
= X 698x10 > 7
Em(ell) = 177 5% 103%10 mS
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The magnitudes of gmsperr and g]’nSD(eff) can be calculated from (4.96b) and
(4.97b) as

Zmspefr) = 6.97MS g opefr) = 6.48mS

The A, a; and a, parameters from (4.101), (4.106b) and (4.107b),
A=247x10" ¢ =42%x107 a4 =8.7x10""
Now the total drain mean square noise current can be calculated from (4.110) with

4kTB = 4% (1.38x107*) x300 x (10x10°) = 1.656x 10" W

3.75%1073 + {(6.97x10*3)2x10} + {(7x10*3)2x15}
1 — (42x1073 + 8.7x10°9)
which corresponds to S,q=8.27 X 1072 [AZ/HZ].

gy = 1.656x 107" = 8.27x107'°[A?]

This example shows that the major components of the total mean square drain noise
current are related to the inversion channel resistance and the series resistances of the
gate and source electrodes. The indirect and correlated influences of the drain noise
current are comparatively small. Therefore, utmost care is necessary on the layout of
the device, and the external series resistance must be kept as low as possible during the
design of the circuit.

Following the same procedure, the variation of the drain noise spectral density as a
function of the drain DC current of the same transistor has been calculated, taking into
account the variations of the mobility, and plotted in Fig. 4.48, with and without
contributions of the resistive device parasitics.

Another aspect that must not be overlooked is the “temperature”. The “7” in the
noise expressions is the temperature of the resistance, in the case of the MOS transistor
the temperature of the channel region can be considerably higher than the ambient
temperature and the average surface temperature of the die.”’ This fact imposes higher
noise for higher power densities, consequently higher device temperature. For
example, at 400 K the mean square noise currents increase approximately 33%. In
Fig. 4.49 the total drain noise current spectral density of the transistor in Example 4.10
is plotted for 300 K and 400 K.

Problem 4.10. Derive an expression to calculate approximately the gate noise current
assuming that the noise voltage along the channel is constant and equal to the noise
voltage at the mid-point of the channel. Compare the result with (4.100) and discuss.

2! From the publications related to the thermal simulation and mapping of ICs [42], [43], it can be seen that
the temperatures of the directly heated micro-regions (hot spots) can be considerably higher than the
average temperature of the die.
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Figure 4.48 The drain current noise spectral density of an AMS 35 pm/0.35 pm NMOS transistor
(A) with the channel inversion resistance only, (B) with the contributions of Rg and Rg (for
Vbs =2V, f=3 GHz and T=300K).
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Figure 449 The drain current noise spectral density of the transistor in Example 4.10 as a
function of the drain DC current: (B) for 7 = 300K, (C) for 7 = 400 K.

Problem 4.11. The die area of an integrated circuit is 10 mm® and its thickness is
0.5 mm. The die is mounted into an Amkor MLF, 44 lead miniature package, whose
thermal resistance from the ambient to the bottom of the die is 24°C/W. The power
consumption of the circuit is 1 W and the ambient temperature is 30°C. Calculate the
average surface temperature of the die. (The specific thermal conductance of silicon is
1.5 W/em.°C.)
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Answer: 54.33°C! (It is obvious that the temperatures of the channel regions of the
individual MOS transistors on the die are considerably higher than this value,
depending on their power densities.)

Noise in LNAs

As already mentioned, the noise performance of an amplifier depends on the device
and its operating conditions, and the structure of the circuit. Therefore the noise figure
of the typical LNA circuits shown in Fig. 4.39 must be investigated separately.

In Fig. 4.50(a) the schematic diagram of the most widely used type of tuned LNAs,
the source degenerated cascode amplifier, is shown with its input impedance matching
circuit. R5 and X, represent the resistive and reactive components of the antenna and
v the open circuit antenna output signal voltage. R is the series effective resistance of
the source degeneration inductance Lg, that helps to obtain a low input resistance
compatible with the internal resistance of a typical antenna or the characteristic
impedance of the transmission line connecting the antenna to the amplifier. Zg is
necessary to fulfill the impedance matching, as will be explained later on.””

From (3.50), the input impedance seen from the gate terminal of an inductive source
degenerated transistor that is shown as z{ can be written as

1 14 (gm+5Cg)(sLs + Rs)

Z; =~ = C
in N
4 . ek 4.111)
8mls 8mits
= R Ls + ———,
(Cgs " S) s $Cls
which has a real part equal to
L
= (gm S 4 Rs) (4.112)
Cys
a series capacitance equal to
C
Cl=—=_— 4.113
1 1 +ngS ( )

and a series inductance apparently equal to Ls. The total input impedance of the
amplifier in the v domain, together with the matching impedance Zg, can be written as

. 1
ZI(CU):ZI"‘ZG:(’":"‘RG)"'J(XG‘FCULS—w> (4114)
We have seen that for maximum signal power transfer from antenna to the amplifier,
the input impedance of the amplifier must be equal to the conjugate of the antenna
impedance, in other words, the real part of the input impedance of the amplifier must

22 If the source and gate series resistances of the transistor are not negligibly small, they must be considered
as parts of Rg and Rg.
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Figure 450 The source degenerated LNA: (a) the general form, (b) the most frequently
encountered case, an LNA with a gate series inductor.

be equal to R, and the reactive part must be in resonance with the reactive part of the
antenna at wy, the operating frequency of the amplifier.
The equality condition of the real parts implies

Em 7 = Ra — (Rs + Rg) (4.115)
Cos
which can be arranged as
Ip
A WLS = Ra — (Rs + Rq) (4.116)

where A, a technology-dependent parameter, was given in (1.43c).
| 2u
A= |—=5
Cox K2

1
<XA(CUQ) +Xg(a}0) + CO()LS — a)()Cl/> =0

From the resonance condition,

(4.117)

=X = ( — woLsg —XA(CUO)>

CO()C:



226

Frequency-selective RF circuits

Figure 4.51 The simplified small-signal equivalent circuit of the input transistor.

This expression tells us that the magnitude and sign of Xg depend on the antenna
impedance. For resistive, capacitive or slightly inductive antennas, which are the
mostly encountered cases, Xg becomes positive, in other words the gate matching
impedance must be an inductor:

LG:< ! LS—M> (4.118)

—— —
a)OCi (N

Rg, the effective series resistance of L, already appears in (4.114). The schematic
of the source degenerated LNA for this usual case is shown in Fig. 4.50(b) and will be
used for further developments.

It is useful to calculate the transadmittance of M 1 from a signal source in the gate loop to
the drain current, which helps us to find the voltage gain of the circuit, as well as the noise
contributions of Rg and Rg on the drain current. In Fig. 4.51 the simplified small-signal
equivalent circuit of M1 is shown. The simplifications are based on the facts that (a) the
load of M1 is the low input impedance of M2 that operates as a common-gate circuit, (b)
the output internal resistance of M1 is very high compared to the input impedance of M2.

Noting that the reactances in the input loop cancel out according to (4.117), the
transadmittance of the circuit for w = w, can be calculated as

id 8m

Ymg(wo) = — = . (4.119)
VA gmRs +jwo[Ces(Ra + RG + Rs) + gmLs|
Under matching conditions given in (4.114), the transadmittance becomes
8m
Ymg(wo) = -
mol0) = R T jonCa2R)
and its magnitude
[Ying (0)] = Sm (4.120a)

\/ (gmRs)? + (200CyuRn)?
If the second term of the denominator dominates, this expression can be simplified to

8m

— 4.120b
ZCUOCgSRA ( )

|YinG (o) | =2
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1

Figure 452 Equivalent circuit to calculate the transadmittance for a signal source series to the
source of the transistor.

and from (4.115) and (4.116),

1 Ip
Y (o) ————— 42 () 4.120¢
Taclon) 2 s (7 (4.1200)

Since the common-gate M2 has a current gain equal to unity up to the vicinity of its
fr, the voltage gain of the amplifier can be written as

14y (0)] = [Yimg (@0)] X |ZL(0)] = [Yimg (@0)[XQetr Lo (4.121)

where L is the inductance of the parallel resonance circuit of the output load and Q¢
its effective quality factor.

The contributions of thermal noises of Rg and R, on the mean square drain noise
current of M1 can be calculated as

ingr = (Parg X |YinG (00))*= 4kTBRG X |Ying (c00) (4.122)
Pyn = (Vary X | Y (@0)])*= 4kTBRA X | Y (0)|* (4.123)

To calculate the noise contribution of Rg, it is useful to use Y, i.e. the transad-
mittance from source to drain. The small-signal equivalent circuit corresponding to
this case is given in Fig. 4.52. The transadmittance from v;g to ig for w = wq can be
calculated as

id 8m

Y = — = —
ms (wO) Vis ngS +jw0cgs (ZRA)

which is same in magnitude as the gate transadmittance but opposite in sign, and its
magnitude is apparently equal to (4.120a):

Em
\/(gnRs)? + (200CouRn)?

[Yins (@0)| = (4.124)

Consequently the contribution of the thermal noise of Rg to the mean square drain
noise current of M1 can be written as
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l Inds2 l IndG2

(Zg+Zy) Vus2 = inar |Zs] Vus2 = nar |Zs] Zs

(a) (b)

Figure 4.53 Schematics used to calculate (a) Y, and (b) Y.

251 = (Varg X | Vs (@0)|)*= 4kTBRs X | Ys (o)’

5 (4.125)
= 4kTBRg X |Ym(3(a)())|

The major part of the mean square thermal (uncorrelated) noise of the drain current
of M1 is the sum of three components: the thermal noise of the inversion channel that
was given in (4.95a), the noise owing to the gate resistance Rg and the noise owing to
the source resistance Rs.

2 = = 2
Indu = Ing T lhdgt + st

(4.126)
= 4kTicB X (gm/2) + 4kTicBRg X | YmG(wO) ‘2+4kTICBRS X |Ymc,((,00)|

where Tjc denotes the temperature of the chip.”
There are two additional components of the total drain noise that are the indirect
results of the total channel noise, Igti:

(a) the noise component corresponding to the voltage drop on Zg, owing to the total
channel noise current of M1, namely #,;

b) the noise component related to the gate noise current voltage drop in the gate-loop,
namely i2,,.

25, can be calculated from the schematic given in Fig. 4.53(a) and its small-signal
equivalent:

. ~ 2 -
Pysy = (lndTl|Zs(w0)|x‘Yr/nS‘) = ay gy (4.127)
where }Yr’nS’ is the transadmittance from v,g» to ings» and can be calculated as

|¥is| = Em (4.128)
VIl = @3C(Lo + La)]+ [00Cos(R + Ra)]

and

2
a1 = |Zs(wo) " x| Yis | (4.129)

23 Note that the channel temperature can be considerably higher than the average temperature of the chip, as
mentioned in Problem 4.11.
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The gate noise current given in (4.100) flows over the matching impedance con-
nected in series to the gate (that is usually an inductor) and the antenna impedance.
Taking into account that Cy is — nearly — in resonance with the gate inductance and the
reactive part of the antenna (since usually Lg < L), we can conclude that the noise
voltage drop owing to the gate noise current is

VnG2 = ;ng<RG + RA)

which can be written as

_ 1 w
Vng2 = o~ /7 (Rg + Ra) X IndT
AV Ip

This voltage provokes a drain current noise component:

2
ndG2 (“Gz | mG|) (4130)

where ]K;G] is the transadmittance from Vyga tO 7ndgo:

Y| = En (4.131)
\/(1 +gnRs)* + (@ogmLs)’

il (0 \/Z)Z<RG+RA>2 (4.132)

Finally, the noise of R, can be calculated as

and from (4.107b)

2in = Veal Yo "= 4KTABRA| VG|’ (4.133)

where T denotes the temperature of the antenna.
The total mean square noise of the drain current of M1, i2;;,, is the sum (super-
position) of all these components:

2 2 = 2 2 2
lnatt = tng tIngg1 T Tnast T fnas2 T fndga

which can be arranged as

2 _ g + faag1 + faasy (4.134)
ndT1 [] _ ((11 i (12)] :

and can be arranged in terms of its components:

) IC gml
LhdT1 [1 ( | 2)] +| G| ( G S) ( )

The noise contribution of M1 at the output is
)
Pan(out) = lnd'nRL

where Ry is the effective parallel resistance of the output resonance circuit, which can
be written in terms of the inductance of the load and its effective quality factor as
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Rr. = LawoQerr

The total noise power at the output owing to the amplifier, the contribution of the

noise current of M2 and the inherent noise of R included, becomes

Pn(out) = (;idTl +;ﬁdz)RL + 4kTcB

1 8ml 2 Em2 }
= 4kT\cB —— 4 |Ymc| (R + Rs) | RL +=—R + 1
N {[1—<a1+a2)1 7 T el (Ra =+ Rs) | Ru+557 R
(4.136)
The noise power at the output only owing to the noise of Ry is
Portow) = fnga RL = 4KTABRA|Yig[* Ry (4.137)

Now the noise factor of the amplifier according to (4.81) can be arranged as

7 1 R { - 1 Eml 2 8m2 1 }
Ta |YmG|2 A [] ((11 + az)] 2 | G| ( G s) 2 + 7
(4.]38)

Now the expression (4.137) together with (4.120c), (4.129) and (4.132) can be

interpreted as follows.

The noise factor increases if the temperature of the chip exceeds the temperature of
the antenna, which is valid for almost all practical cases.

The noise factor increases with frequency owing to the frequency dependences of
IYmGIZ, a, and as.

The noise factor decreases with g.,; for small values of g.,; (as well as the drain
current) and tends to remain constant for larger values of g,,;. For higher values of
gm1, owing to the decrease of the mobility, the noise factor starts to increase.
Smaller transconductance values for M2 are better for smaller noise factors. But a
smaller gate width and consequently higher voltage drop on M2 results in the
decrease of the output signal dynamic range.

The noise factor is smaller for higher R; values.

R and Rs, the effective series resistances of Lg and Lg (the parasitic gate
and source resistances included) must be small. Their values depend on the
corresponding inductances and their Q values, as well as the technology and
layout.

The noise factor increases for higher values of W;.

The effect of the value of R, is also interesting. According to (4.138), the noise
factor is smaller for higher R, values. But it must be noted that for high Rx
values, a, increases and impairs the noise factor.

These interpretations show that the design of an LNA is not a “one-shot” process; it

needs a series of iterations and trade-offs to fulfill the input impedance, gain, power
consumption, dynamic range and minimum noise considerations.
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Example 411 A source degenerated cascode LNA as shown in Fig. 4.50(b) will be
designed for fo=1.86 GHz (wy=1.17x 10'° rad/s). The restrictions are as follows.

e The technology is similar to the AMS 0.35 micron technology but has a thick metal
layer that permits us to realize reasonably high-Q on-chip inductors. The main
parameters related to the NMOS transistors are C,x =4.54X 1077 Flem?, ko
=0.74,* u, =325 (as an average value that corresponds to Vgs=1 V). The
numerical value of the A parameter is calculated as 2.47x 10",

e The DC current shall not exceed 4 mA.

e The on-chip inductors will be chosen from a library that contains a number of well-
characterized inductors: L=0.5 nH, 1 nH, 2 nH, 5 nH and 10 nH and Q =10 at 1.86
GHz.

e The antenna is a “folded loop antenna” designed for 1.86 GHz, whose impedance is
Zx=44.7 — j 9.73 ohm, for unbalanced use.”

e The temperature of the antenna and the average temperature of the chip are assumed
to be 300K and 330K, respectively.

The design can be initiated at one of several possible starting points. Let us start
with (4.116), with a DC current smaller than the allowed maximum value to reserve a
margin for probable iterations, and the possible minimum Lg value; Ip=3 mA, Lg
=0.5 nH. It is necessary to estimate a value for Ry — (Rs + Rg) in (4.116), and check
its validity later on. Let us assume Ry — (Rs + Rg) =30 ohm. With these starting
values (4.116) yields W= 508 um that corresponds to Cys = 597 {F according to (1.40).

Now Lg can be calculated from (4.118):

1

= —o.5x10"—<
(1.17x1010)*(597 x 10-15)

—9.73
(1.17x1010)

) = 12.53nH

Since we have to use inductors from the library, it is necessary to perform an
iteration with 10 nH, the closest inductor value to 12.53 nH. With L5 =10 nH (4.118)
yields Cys =755 fF, which corresponds to W=642 um. To satisfy (4.116) with this
value and Lg=0.5 nH, I must be 3.79 mA which is smaller than the allowed max-
imum value.

Now we must calculate the source and drain series resistance and check if the
condition on (Rg + Rg) is reasonably close to the initial assumption.

Rs is the sum of the effective series resistance of Lg and the inherent source series
resistance of M1. The series resistance Rg; of Lg can be calculated from (4.14) as

L 0.5%1072)(1.17x 10'°
Ry = s@o _ (0.5x )(1.17x107) =~ (.585 ohm

0 10

2% See Expression (1.40).
25 See Appendix A.
26 See Reference [44].
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The inherent source series resistance of M1, Rgyy is calculated as in Example 4.10
and found to be 0.545 ohm. Therefore,

Rs = Rsp. + Rsyy = 1.13 ohm

Similarly, the total series gate resistance, Rg, which is the sum of the effective
series resistance of Lg and the inherent gate series resistance of M1 can be found as
12.52 ohm. With these values

Ra — (Rs + Rg) = 44.7 — (1.13 + 12.52) = 31.05 ohm

which is reasonably close to the initial assumption.
The parameters in (4.138) now can be calculated.
From (1.26)

gl = /2, Cox(W /L)Ip = 1/2x325% (4.54x10-7)(642/0.35)(3.8x 10-3)
= 44.7 mS

From (4.120)

(44.7%1073)?

[(447><10 )X 113 +2% (1.17x 1010)(755 x 10-15) x 44.7)
=32x107°[$?]

|YmG( )|

From (4.128)

} s(w0| -
(44.7x1073)?

[1 — (1.17x1010)?(755x 10-15) (10 — 0.83) x 10-9 — .83)r+[(1.17><1010)(755>< 10-15) % (12.82 +44.7)] = 7.7x 103 [8?]

The source impedance

|Zs(wo)| = \/R2 + (wolLs)* \/(1 13)? 4+ [(1.17x10'°)(0.5x 10-2)]* = 5.96 ohm
From (4.129)

= |Zs(0) | x| Yo (@)= (5.96)* x (7.7x107%) = 0.27
From (4.131)

(44.7x1073)?

Y. (o) =
[¥ag (o) (14 (44.7x1073) x 1.13)*+[(1.17x101)(44.7x 10-3)(0.5 x 10-9)]*
=1.7x107[8?]

From (4.132)

2
1 642x 104
-3 10 2
= (1.7x107%)|(1.17x 10 )2'47“0”\/3.8“031 (12.82 +44.7)> = 0.2
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The width of M2 is chosen as the half of the width of MI1. Therefore,
gm2 = gm1/ /2. The load impedance of the circuit at f is Ry, = LwoQ = 1170 ohm,
under the assumption that the output resistance of M2 and the parallel resistance of C
are high and do not affect the quality factor of the output resonance circuit.

Now all these values can be inserted into (4.138) and the noise factor can be found:

330 1
F=1 t30032x 10 3)44.7
1

1
— _|(22. 1073 2%x1073)%x13. 15.8x1073) + ——
{(1_0.47)[( 35%107°) + (3.2x107°) x 365}+(58><0 )+1170}

1 1
=1+11x 13 {m[22.3 +43.68 + 15.8 + 0.85]} =2.08
which corresponds to NF=3.18 dB.

Inspecting the components of this last expression, the contributions of the param-
eters on the noise factor can be easily observed and the improvements to reduce the
noise factor can be developed.

It is also important to note the effect of the temperature difference. For example, if
the temperatures of the chip and that of the antenna were equal, the noise figure should
be 2.96 dB.

The total capacitance resonating the load inductor can be calculated as

1 1
S Wil (1.17%1010)? x (10-%)

Cr =0.73 pF

which is the sum of the input capacitance of the following stage, the drain junction
capacitance and the capacitor connected parallel to the inductor, which usually is a
MOS varactor that can be used to fine-tune the circuit.

Finally, the voltage and the power gain of the amplifier can be calculated as

follows.
The voltage gain from v, to vy is

Ay = |YmG| X RL = (56.56x107%)x 1170 = 66.18

which corresponds to 36.4 dB.
As a result of the impedance matching, the signal power delivered from the
antenna is

(va/2)?

P =
Ra

and the signal power delivered to the load resistance

2
Yo

P, =
o RL
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Consequently,

2
P, R R
Ay == () xCA _4xa2x A
Pi VA/2 RL v RL

44.7
= 4x(66.18)* X ——

1170 = 669.3

which corresponds to 28.25 dB.

The differential LNA

For some applications, designing the LNA as a differential amplifier is more
convenient.

(a) If the antenna is balanced (differential), i.e. the signal voltage of either of the
output nodes is not at ground potential, but they have equal magnitude and
opposite phase with respect to the ground.”’

(b) If the circuit following the LNA has a differential input.

Another advantage of a differential LNA is that its even harmonics are small
(theoretically zero), owing to the symmetrical structure of the circuit.

The schematic of a typical differential LNA is given in Fig. 4.54(a). The DC tail
current source, I, provides better symmetry of the drain DC currents of the input
transistors and lower common-mode gain, in other words less sensitivity against the
external disturbing signals.

The circuit is re-drawn in Fig. 4.54(b), which helps us to consider the circuit as two
single-ended LNAs and use the expressions derived in Section 4.6.4. In Fig. 4.54(b)
the external resonance capacitor is composed of two series connected capacitors (or
varactors).

The inductance of the center-tapped inductor that is composed of two equal parts
depends on the coupling of them. If the coupling of the two halves of the inductor is
zero or negligibly small, the total inductance is equal to Lt =2L. This case corres-
ponds to two separate identical inductors that are not physically close to each other. If
these inductors are closely coupled, for example designed as a center-tapped inductor
as shown in Fig. 1.35(b), the total inductance becomes Lt =2L(1+k), where k is the
coupling coefficient. It means that if the coupling is strong and k is close to its
theoretical maximum value of 1, the total inductance increases considerably
(approaches to 4L).”* This is an advantage from the point of view of the area and the
effective series resistance of the inductor.

However, there is another effect that must not be overlooked. The noise component
of the drain current of M12 is applied to the resonance circuit of the right half of the

27 Another solution is to connect a balanced antenna to the input of a single-ended LNA via a balun, a
simple structure that converts a balanced signal to an unbalanced signal, and vice versa, at the expense of
extra parasitics and noise.

28 Typical values of k for center-tapped inductors are in the range of 0.6 to 0.7.
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Figure 4.54 (a) Schematic of a typical differential LNA. (b) The re-arranged schematic that helps
us to use the expressions derived for the single-ended LNA (coupling coefficient assumed
k< 1).

circuit. If we show the root mean square value of this noise current at or in the vicinity
of the resonance frequency as ing, the noise current flowing through L is equal to
O X ing2, which induces a noise current equal to kXQXi,g; on the inductor of the
left half of the circuit. This noise current is not correlated to the self noise current of
the left part of the circuit; therefore it increases the total noise of this part, and
vice versa.






5.1

L-C oscillators

Oscillators, especially sinusoidal oscillators, are among the main components of all RF
systems. They are being used as so-called “pilot” oscillators to generate the carrier
frequencies of transmitters and as local oscillators in receivers to generate the signals
that are necessary for frequency conversion purposes. The most important features of
sinusoidal oscillators are the frequency of oscillation and its spectral purity, i.e., the
frequency stability and the phase stability. The RF sinusoidal oscillators are almost
exclusively based on the resonance effect.

In certain applications it is necessary to adjust the frequency of oscillation in a
certain range, or to fine-tune the frequency to a pre-determined value. Since this
feature is usually realized by a varactor in the resonance circuit of the oscillator, these
circuits are called VCOs (voltage controlled oscillators). In some other applications,
the frequency of oscillation must be fixed at a certain frequency with the maximum
possible precision and stability. For these cases, quartz crystal oscillators are preferred.
If the target frequency is higher than the range supported by the crystal oscillator, a
higher frequency VCO can be “locked” to the frequency of the crystal oscillator.

As already explained in Chapter 4, an L-C circuit with external excitation will swing
at a frequency determined by the values of its components. The magnitude of the
swing decreases in time, owing to the losses of the system. If the losses of the system
are compensated in some way, the magnitude of the swing remains constant, in other
words, the system “oscillates”. To compensate the losses of a resonance circuit, and to
understand this compensation mechanism, we will investigate two well-known
methods: the negative resistance approach and the feedback approach.

The negative resistance approach to L-C oscillators

Consider the series resonance circuit in Fig. 5.1. As was shown in Section 4.1.2, the
natural frequency of the circuit is
1

woy = L_C

and the effective series resistance is r.g, Which represents the total losses of L and C.
At g the reactances of L and C cancel out each other and the input impedance
becomes equal to its real part, i.e. rerr. If we connect a “negative resistance” in series,
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Teft =L+ I'c
T
Zw) = regy

Figure 5.1 The input impedance of a series resonance circuit at resonance.

equal in magnitude to ¢, then the total resistance of the circuit becomes zero and the
circuit is ready to oscillate under any excitation — for example, noise, that is always
present.

A “negative resistance” does not exist as a physical reality but some devices or
circuits exhibit a negative resistance behavior in a limited range of their current—
voltage characteristics. This means that the slope of the current—voltage characteristic
is negative, in a certain operating range.

There are a number of two-terminal negative resistance devices: for example, the
“tunnel diode” which is also known as the “Esaki diode”. The tunnel diode is a
semiconductor p-n junction, where both regions are doped up to the degenerate level,
i.e. the Fermi levels of the p and n type regions are shifted into the valence band and
the conduction band, respectively. Owing to the “quantum-mechanical tunneling” of
electrons in a range of the bias voltage, the current—voltage characteristic exhibits a
negative slope, as shown in Fig. 5.2(a).’

If a tunnel diode is biased at a point in the middle of the negative resistance region,
the corresponding small-signal resistance becomes negative and equal in magnitude to
the inverse of the slope of the curve at this point. The value of this resistance is usually
small, in the range of tens of ohms, and therefore it is suitable to compensate the
effective series resistance of a series resonance circuit. Since the parasitics can be
made very small, tunnel diodes can be used at higher frequencies, up to several
tens of GHz.”

The schematic of a tunnel diode oscillator is shown in Fig. 5.2(b). As already
mentioned, oscillation starts if the negative resistance corresponding to the slope of the
characteristic curve at the DC operating point Q is equal to the effective resistance of
the resonance circuit. But there is a risk of the oscillation ceasing owing to the
variations of the parameters that may decrease the value of the negative resistance. To
guarantee a sustained oscillation, the magnitude of the negative resistance must be
higher than the effective resistance of the resonance circuit. In this case, the amplitude
of oscillation tends to increase steadily. But since the range of the negative resistance

! For a detailed explanation of the tunnel diode, refer to [45].
2 Tunnel diodes are fabricated and packaged as discrete devices. But there are serious efforts to integrate
tunnel diodes into silicon ICs (see the publications of A. Seabaugh).
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Figure 5.2 (a) Typical current—voltage characteristic of a tunnel diode. The peak and valley
voltages, V, and V., depend on the semiconductor and are in the range of hundreds of millivolts.
(b) Schematic of a tunnel diode oscillator. The bias circuit is drawn with fine lines. The series
resistances of L and the RF choking coil determine the DC load line shown in (a).

is limited, the amplitude can increase up to the point where the magnitude of the
negative resistance drops to r.g and stabilizes itself at the magnitude that corresponds
to this operating point.

There are a number of transistor circuits that exhibit a negative resistance port.
One of them is the input port of a source follower under appropriate operating and
loading conditions, which was investigated in Section 3.2. and used for Q enhance-
ment in Example 4.2. Another and most frequently used one is the cross-coupled
differential negative resistance circuit. Since the magnitude of the negative resis-
tance of this circuit is relatively high, it is convenient to use it to compensate the
relatively high effective parallel resistance of a parallel resonance circuit at resonance
frequency.

The general topology of a parallel resonance circuit is shown in Fig. 5.3(a). The
frequency at which the input impedance is real is denoted by @¢. The input impedance
of the circuit at @ can be represented in terms of its parallel components, as shown in
Fig. 5.3(b), where

T 1+ @ CR2

I 1 [L-cr
B0 = || —= = —=x |- 5.3
P=N\Nre T\ L -cr 5:3)

R
Ri. + Rc

Resr = (QF 4 1)
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Figure 5.3 (a) A typical on-chip parallel resonance circuit with lossy inductance and capacitance.
(b) The same circuit in terms of its parallel components at .

M1 M2

Figure 5.4 The cross-connected differential negative resistance circuit.

If a negative resistance equal in magnitude to R is connected in parallel to this
circuit, it cancels out R.g and the remaining parallel resonance circuit oscillates at @y,
which is the oscillation frequency of the circuit and will be shown by .

The schematic diagram of a cross-connected negative resistance circuit is given in
Fig. 5.4. It can be easily seen that the circuit has two robust stable operating points: M1
is off, M2 is on and the whole It tail current flows through T2, and vice versa. In
addition, there is another operating point that is practically unstable, which corres-
ponds to Ip; =1Ip> = (I1/2). Any small (even infinitesimal) change in this condition
impairs the stability of the operating points and the circuit switches to one of its robust
operating points.

For this critical operating point, the small-signal admittance seen from the d;—d,
output port can be calculated from the equivalent circuit shown in Fig. 5.5(a) as

1 1
Yo = *E(gm — &as) JrESCgS (5.5)
which corresponds to a negative resistance of
2 2
Fo=——— & —— (5.6)

parallel to a capacitance equal to C, = C,y/2.
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Figure 5.5 (a) The small-signal equivalent to calculate the output admittance of a cross-connected
differential negative resistance circuit. (b) PSpice simulation result of the output current—voltage
characteristic (AMS 0.35, 200 p/0.35 w, It=2mA).

The g, in (5.6) depends on technology, dimensions of the transistors, the DC drain
currents and also if the transistor is operating in the velocity saturated region or not.
For velocity saturation, the transconductance is considerably smaller and cannot be
controlled by the tail current. Note that expression (1.33) must be used for non-
velocity saturated operation and (1.34) for velocity saturated operation to calculate the
transconductance.

This negative resistance calculated from the linearized small-signal equivalent
circuit is valid only in the middle of the operating range that corresponds to I'p; = Ipy,
and increases to infinity at both ends of the range. To observe this nonlinear behavior
of the output resistance, a simulation result is given in Fig. 5.5(b).

It is seen from this curve that the negative resistance is minimum in the mid-point
that corresponds to the value calculated from the small-signal equivalent circuit, and
increases symmetrically on both sides. For a parallel resonance circuit whose effective
parallel resistance is higher than the negative resistance corresponding to the mid-point
of the curve, the circuit oscillates. As explained for the tunnel diode oscillator, the
nonlinearity of the curve limits the amplitude of the oscillation at a certain level
that depends on g, and can be controlled by It. The average negative resistance
corresponding to a secure oscillation can be considerably higher than the mid-point
resistance.

As an example, the negative resistance at the mid-point is 200 ohms and the
resistance corresponding to the onset of limitation is about 300 ohms in Fig. 5.5(b).
Therefore, to obtain a sustained oscillation with a safety margin, the resonance
impedance of the parallel resonance circuit connected parallel to the d;—d, port must
not be smaller than 300 ohms.
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Figure 5.6 The differential negative resistance oscillator.

Another aspect (and advantage) of this circuit is that owing to the symmetry of the
curve with respect to the mid-point, the even harmonics in the spectrum of the drain
currents — and, consequently, on the differential output voltage — are zero.

The circuit schematic of an oscillator that uses a cross-connected negative resistance
circuit is given in Fig. 5.6, which is also known as a differential oscillator. As
explained for the differential LNAs, the two halves of the inductor can be coupled or
not. The total equivalent value of the inductance is equal to

Lt =2L(1 +k),

where k is the coupling coefficient and its value is approximately 0.7 for a center-
tapped inductor as shown in Fig. 1.35, and can be considered as zero for two separate
inductors on the chip.

Example 5.1 A differential oscillator will be designed for fy = 1.6 GHz. The inductor
to be used will be selected from a library in which there are 1 nH, 2 nH, 5nH and 10 nH
inductors with Q.s=7. The transistors have characteristics similar to AMS 0.35
micron technology. It is assumed that a 1V bias voltage is available on the chip. The
allowed DC supply current is 2 mA.

The schematic of the circuit together with the tail current source is given in Fig. 5.6.
Since the output voltage swings around Vpp, the supply voltage must be chosen lower
than the allowed maximum value by the expected amplitude of the oscillation with a
safety margin, and must be checked later on. We will use Vpp=2.5V, which cor-
responds to 1 V maximum amplitude, including the safety margin.

To obtain the oscillation with a relatively high negative resistance that corresponds
to a small transconductance (i.e., small supply current and small transistor width), the
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resonance impedance must be as high as possible. Since the resonance impedance of
the resonance circuit is R, = LwgX Q.yt, the first (seemingly obvious) choice would
have been to use the maximum inductance value, that is 10 + 10 =20 nH in this case.
But this corresponds to a resonance capacitance that is equal to

1 1

ol (2mx 1.6 x 10%)° X (20 x 1079)

Note that this capacitance represents the sum of (Cgy/2), (C4/2), the resonance cap-
acitor (or varactor), and the input capacitance of the following circuit which, on its
own, can be in the range of several hundreds of femtofarads. Consequently, using the
maximum inductance value would impose a very limited value for the total capaci-
tance that may not be reasonable for practical applications. In our case, it is preferable
to work with a higher resonance capacitance that dictates the use of a 5+5=10nH
inductor, resonating at 1.6 GHz with 905 fF.
The effective parallel resistance of this resonance circuit at 1.6 GHz is

Rer = LagQer = 107% x (1.05 x 10'%) x 7 = 735 ohm

Since the circuit operates with a considerable safety margin, we can neglect the output
resistance of the transistor and the losses of the resonance capacitance. The value of
the negative resistance must be smaller than this theoretical value to guarantee sus-
tained oscillation, so that the amplitude reaches the saturation end of the negative
resistance curve. Thus, we take r, =— 350 ohms, which corresponds to g,,=5.7mS
according to (5.6).

The aspect ratio to obtain this transconductance value with 1 mA drain DC current
can be calculated from (1.33):

/4 2 (5.7x1073)?

— = = =110
L 2uCodp 2x325% (4.54%10-7)x 1073

Therefore the gate width must be 38 um.

The gate width of the tail current source can be sized to conduct 2 mA under 1 V
gate bias voltage, which is found as 62 um for 0.35 um channel length.

The PSpice transient simulation file is given below:

*DIFFERENTIAL NEGATIVE RESISTANCE OSC. *

VDD 100 0 2.5

.LIB “CMOS7TM.MOD"”

M1 12 3 0 MODN w=38u 1=.35u ad=13.3e-8 as=13.3e-8 pd=40u
ps=40u nrd=.01 nrs=.01

M2 2 1 3 0 MODN w=38u 1=.35u ad=13.3e-8 as=13.3e-8 pd=40u
ps=40u nrd=.01 nrs=.01

MT 3 4 0 0 MODN w=62u 1=.35u ad=21.7e-8 as=21.7e-8 pd=70u
ps=70u nrd=.01 nrs=.01

VB 401

L1111 5N

RL1 11100 7.5



244 L-C oscillators

L2 2 22 5N

RL2 22 100 7.5

cCl2.9%

ICv(l)=2.6v

.TRAN .03N 51N 50N .01N
.probe

.end

The simulation results with calculated values are shown in Fig. 5.7. It must be noted
that the amplitudes of the voltage swing on the drain nodes are one half of the
differential output voltage v,. This means that the maximum drain voltages are well
below the permitted maximum voltage, 3.5V.

For the transient simulation of oscillators, a number of factors have to be taken into
account that also relate to the specific limitations of circuit simulator algorithms. Many
circuit simulators are notorious for difficulties that may be encountered in simulating
oscillatory circuit behavior, in the time domain. In particular:

e To start the oscillation it is necessary to impose a suitable “initial condition” to the
circuit. For example, the initial voltage of d; was given as 2.6 V for this circuit.

e To make sure that the oscillation is sustained, it is necessary to observe the output
signal after a reasonable time from the beginning of the transient simulation.

e The distortion (flattening of the peaks) on the currents of M1 and M2 indicates that
the circuit is operating in the entire range of the negative resistance region. It is wise
to adjust the circuit parameters such that the peaks are slightly flattened. This means
that the circuit has a safety margin against parameter changes and at the same time,
the distortion component reflected to the output voltage waveform is not excessive.

Ipy, Ipp (mA) vy (V)
1
2 — 7 8 /7
v \ k| \ [\
by il \ /
. ] 0 /
\ [ \
/- \ \ -/ \
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0 / / v N
50 ) S0 o) 51
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Figure 5.7 (a) The drain current waveforms of the drain currents. (b) The differential output
voltage waveform.
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The feedback approach to L-C oscillators

The classical approach to study oscillator circuits is based on the oscillation criterion
stated by H. Georg Barkhausen in 1921 for feedback amplifiers. The general topology
of a single loop linear feedback amplifier is shown in Fig. 5.8. Here, the gain block is
usually an amplifier with a gain function A that can be a voltage gain, a current gain, a
transadmittance or a transimpedance. The feedback block f is usually (but not
necessarily) a passive two-port. The signals a;, a{, a; and a, can be either voltage or
current, but a;, a{ and a; obviously must have the same dimension. The basic relations
among the signals are

N a/I:aIJrafandAf:@ (5.7)
a 2 a

where A is the gain of the amplifier, f is the transfer function of the feedback block and
Ay is the gain of the circuit as a whole, which is called the “gain with feedback™ or the
“gain of the feedback amplifier”.

From the basic relations given in (5.7), the gain of the feedback amplifier can be
found to be

A
Af = —— (5.8)
(1—p4)
where fA is called the “loop gain”.
From this expression it can be seen that:

e If the magnitude of (1 — fA) is larger than unity, the overall gain of the feedback
amplifier is smaller than A, in other words, the gain is reduced by feedback. This
case is also called “negative feedback™.

e If the magnitude of (1 — fA) is smaller than unity, the overall gain of the feedback
amplifier is larger than A, in other words, the gain is increased by feedback. This
case is called “positive feedback”.

e As a special case of positive feedback, if

(1 — fi4) = Oor, equally, f4 =1 (5.9)
then the gain of the feedback amplifier goes to infinity.
Since the gain of the amplifier block and the transfer function of the feedback block

are frequency dependent, in other words, since A and f§ are complex quantities in the
frequency domain, (5.9) must be written as

pA=1+j0or
Re{fid} =1 and Im{pA} = 0 or (5.10)
[BA] = 1 and (BA) = 0

According to the Barkhausen criterion, the meaning of infinite gain is that the circuit
oscillates at the frequency where (5.10) is satisfied. The amplitude of the oscillation
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Figure 5.8 The block diagram of a feedback amplifier.
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Figure 5.9 (a) The simplified schematic of a MOS Colpitts oscillator. (b) The circuit re-drawn
with the amplifier block and the feedback block.

certainly is limited in a certain range by the amplifier, where the assumption of
linearity is — at least approximately — valid.

As an example to this approach, the MOS transistor version of one of the classical
oscillator circuits will be examined in the following: the Colpitts oscillator, which was
first demonstrated in 1919 — certainly with vacuum tubes — by Edwin H. Colpitts. The
simplified schematic of the circuit and its block diagram representation are shown in
Fig. 5.9(a) and (b), respectively. The input capacitance of the transistor is included in
Cy. The load of the amplifier, the admittance shown from the port that C; is connected
to is shown by Y}, and can be calculated as

(5.11)
_ S’LC G + $7C 1 Cor + 5(Cy + Cy)

S2LCy 4+ sCir + 1

Then the voltage gain of the transistor is
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1
Ay = —gn—
& (gas + 1)

and in open form

S’LCy + sCir + 1

Ay =— 5.12
M BLCICy + 52(C1Cor + LCigas) + s[(C1 + Ca) + rCigas] + gas (3-12)
The voltage transfer ratio of the feedback block can be calculated as
1
p= (5.13)

S2LC +sCir+ 1
Hence the loop gain fA, becomes

1
TEMSLCICy + 2(C1Cor + LCigas) + 5[(Cr + Ca) + 7Crgas] + gas

ﬁAV =

If we convert this expression into the @ domain and apply the Barkhausen criterion,
stating that the loop gain must be real and equal to unity, from Im{f4,} = 0 the
oscillation frequency that satisfies this condition can be calculated as

wosc_wo\/l+r'gds (514)

2
C+G
Note that the oscillation frequency is not equal to the natural frequency of the
resonance frequency but slightly different, which will be discussed later.
Similarly, the oscillation condition that gives the minimum value of the transcon-
ductance can be found from Re{fi4,} = +1 or |f4,| =1 as

L1 G+
" G

(5.15a)

It must be noted that to guarantee sustained oscillations, g,, must be higher than this
value to provide a safety margin. It is convenient to modify (5.15a) as

(5.15b)

where kg is a safety factor, usually 1% to 10% larger than unity, i.e. between 1.01
and 1.1.

Another interesting example is to calculate the oscillation condition of a cross-
connected oscillator that was given in Fig. 5.6, with the feedback approach. The circuit
is re-drawn in Fig. 5.10(a) where the resonance circuit is divided into two identical
parts as in Fig. 4.54. In Fig. 5.10(b) the circuit is drawn as a feedback amplifier. The
total voltage gain of the two cascaded stages is positive and equal to the multiplication
of the gains of the identical stages:

Avr(@o) = (—gnm 'R::ff)z

where Rl is the effective parallel resistance of the loads at resonance and equal to
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Figure 5.10 (a) The cross-connected oscillator. (b) The same circuit drawn as a feedback

oscillator.
L
éff = (E) @0 X QOefr

Therefore the total gain becomes

1

1
Ayr(wo) = &% 2 (Lo X Oer)’= g ZRgff

where R is the effective parallel resistance of the circuit composed of L and C.
Since the output of the amplifier is directly connected to its input, f is equal to unity.
Then the loop gain is

1
BAyr(awo) = grzn 4 Rgff

If we apply the Barkhausen criterion and write the loop gain equal to unity, we obtain

8m = 55—
" Rer

which is equivalent to the expression (5.6) obtained with the “negative resistance
approach”.”

Problem 5.1 The schematic of a common-drain Colpitts oscillator is shown in
Fig. 5.11.

(a) Derive expressions to calculate the oscillation frequency and the minimum value
of the transconductance for sustained oscillations.

3 This is an interesting example to see how different approaches converge for a certain physical reality.
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Figure 5.11 The common-drain version of the Colpitts oscillator.

(b) Compare and discuss the circuit with the negative resistance circuit used for
Q-enhancement given in Fig. 4.7.

Frequency stability of L-C oscillators

The oscillation frequency of an L-C oscillator is mainly determined by the values of
the inductor and the capacitor of the resonance circuit, but also influenced by some
secondary factors, namely the losses of the resonance circuit and certain parameters of
the transistor. For example, the oscillation frequency of a MOS Colpitts oscillator was
given as (5.14). If we combine this expression with (5.15b), it is possible to arrange it
as follows:

L1 C
RS 1 (5.16)

1
vic\ o
where C is the series equivalent of C; and C,, and Q is the quality factor of the
resonance circuit.

This frequency is a function of a number of parameters and can vary depending on
the tolerances or the variations of these parameters owing to some effects, for example
temperature and supply voltage fluctuations. The influences of L and C tolerances
are well defined and can be compensated with the trimming of frequency, for example
with the aid of a varactor used as part of the resonance capacitance. The variations of
other parameters are usually unpredictable and consequently more severe.

The effects of the small changes of parameters on the oscillation frequency can be
expressed with an exact differential. For a Colpitts oscillator, for example, the change
of the oscillation frequency owing to the small variations of the parameters is

Wosc =

acUOSCdL + acuOSC dCl + aCO()SC dC2 + aCUOSC dgm + aCUOSC dgds + 82)50

oL aC, 0C, Ogm 0g4
The change of the value of an on-chip inductance is mainly related to the dimensional
changes owing to temperature variations. The resistance of the inductor that affects the

dwosc =

do
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quality factor is also subject to change, not only owing to the dimensional changes but
also to the temperature coefficient of the material (aluminum or copper).

The stability of an on-chip capacitor depends on its construction. The values of the
MIM and polyl—poly2 capacitors are subject to variations owing to thermal expansion.
The capacitances of the varactor capacitors are sensitive to the bias voltage variations.

The small-signal output conductance and the transconductance of the transistor
depend on the voltage and the current of the operating point.

As a conclusion, it can be stated that for the stability of the oscillation frequency of a
Colpitts oscillator, the variation of the operating point of the transistor and the bias
voltages of varactors must be well stabilized, and the variations of the temperature
must be small. It can be shown that these conclusions are equally valid for other types
of feedback oscillators.

Equation (5.16) also shows that if the effective quality factor of the resonance circuit
is high, the oscillation frequency approaches the natural frequency of the resonance
circuits that depends only on L and C, and the overall sensitivity of the oscillation
frequency decreases.”

If we solve C;/C, from (5.15) and insert to (5.16), we obtain

Wose = \/—\/ gdS Q2 8m eff - ks) (517)

According to this expression, if the condition g.,R.ir= ks is fulfilled, the oscillation
frequency becomes equal to the natural frequency of the resonance circuit, which
corresponds to the maximum available frequency stability.

As another example let us consider (5.3) which is derived for a negative resistance
oscillator. From this expression it can be seen that if the series resistance of the
capacitance branch of the parallel resonance circuit is equal to that of the inductance
branch, the oscillation frequency becomes equal to the natural frequency of the res-
onance circuit.” Since the oscillation frequency depends only on L and C in this case,
for which the losses of the two branches of the resonance circuit are equal, the
frequency stability improves,” despite the decrease of the effective quality factor of the
resonance circuit.

From these examples we understand that there are some measures to improve the
stability of the oscillation frequency of integrated oscillators to some extent, but not
sufficiently for applications that need very high frequency stability.

The classical method to obtain oscillations with very high frequency stability is to
use a quartz crystal that electrically behaves as a very high-Q resonance circuit.

IS

This fact is applicable to the oscillator circuits constructed with discrete high-Q inductors and high-quality
capacitors, and extensively used in the past.

This phenomenon was investigated in 1934 by J. Groszkowski from a different and more basic point of
view [46].

This behavior was underlined in Section 4.1.1. Since the natural frequency, the frequency where the
imaginary part of the impedance is zero and the frequency corresponding to the maximum of the
magnitude of the impedance coincide, it is useful also for feedback oscillators.

w

=N



5.3.1

5.3 Frequency stability of L-C oscillators 251

X'

Figure 5.12 A quartz crystal cut, lapped and polished to the dimension corresponding to the
targeted frequency, and metal electrodes plated on the two y—z faces for electrical connections.

Crystal oscillators

Figure 5.12 schematically shows a thin rectangular prism cut and lapped from a native
quartz crystal. The x, y and z axes are called the electrical, mechanical and optical
axes, respectively. Thin metal films are evaporated to make electrical connections on
the faces parallel to the x—y plane. If a DC voltage is applied to the X-X' port, the
crystal expands or shrinks in the y direction, according to the polarity of the voltage.
Correspondingly, if a pressure or tension is applied in the y direction, a voltage occurs
between X and X'. This effect is called the “piezo-electric effect”. It can be understood
that under an alternating voltage the crystal starts to vibrate. If the frequency of
the signal becomes equal to the mechanical resonance frequency of the crystal’ the
amplitude of the vibration becomes maximum, in other words, the crystal is in
mechanical resonance. The losses of this resonance system are the internal friction
losses of the crystal, the load corresponding to the connections and the friction of the
air. With appropriate precautions (for example operating in vacuum), the quality factor
of the system can be increased to the order of hundreds of thousands.

This electro-mechanical system behaves as an electrical circuit between its X—X'
connection ports, which can be represented with an equivalent circuit as shown in
Fig. 5.13(a). In this figure the series branch represents the mechanical resonance. The
electrical components can be derived from the value of the series resonance frequency
(ws) and the value of the quality factor.® This branch becomes inductive above ws and
resonates in parallel with C, at wp, where wp > ws. The parallel resonance can be

7" A solid prism has at least three resonance frequencies depending on the dimensions, the Young modulus
and the density of the material. The resonance frequency mentioned above is the resonance frequency in
the y direction. In addition to these fundamental resonance frequencies, the crystal can resonate at the
harmonics (the overtones) of them.

The inductance values are extremely high; usually in the range of 1 to 10 H, correspondingly C is very
small. The resistance ranges from 100 ohm to several thousands of ohms. Parallel capacitance is in the
range of picofarads.

3
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Figure 5.13 (a) The electrical equivalent of a quartz crystal. (b) The variation of the impedance.
Note that the impedance axis is not to scale; in reality wg and wp are very close to each other.

adjusted — to some extent — with an additional parallel capacitance that increases the
value of C,,.

Therefore, a quartz crystal can be used as a resonator in series resonance or in
parallel resonance. Since the series resonance is mechanically based and depends only
on the dimensions, it is very robust and can shift only owing to temperature variations.
Cutting the prism with a specific angle that minimizes the temperature coefficient, and
stabilizing the temperature of the crystal considerably help to improve the frequency
stability. Hence the temperature coefficient can be well below 1 ppm/°C.

To build a crystal controlled oscillator, one way is to use a suitable negative
resistance circuit to compensate for the losses of the crystal. Another way is to connect
the crystal with an amplifier to provide a positive feedback at the resonance frequency
of the crystal.

For a negative resistance crystal oscillator, the necessary transconductance values
and the DC power consumption are considerably small since the losses of the crystal
are very small compared to a conventional resonance circuit. Figure 5.14 shows an
oscillator circuit based on the negative resistance circuit given in Fig. 4.7, with its
source follower output buffer. This circuit can be also interpreted as a version of the
Colpitts oscillator, where C; is totally or partially the input capacitance of M1.

Since the dimensions of crystals decrease with frequency, fabrication and precision
problems increase. Usually for frequencies higher than 10 MHz it is useful to use the
overtone resonances of crystals. The crystals originally intended to be used at a certain
overtone are mounted into the case in such a manner to ease the vibration at this
frequency.

The crystal oscillator circuit shown in Fig. 5.15 is a feedback oscillator. The output of
M1 is connected to the input of M2 via a crystal. At the series resonance frequency of
the crystal, its impedance is a resistance equal to , which forms a positive feedback path
together with Ry, to oscillate the circuit at the series resonance frequency of the crystal.
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Figure 5.15 A crystal feedback oscillator that oscillates at the series resonance frequency of the
crystal. This circuit is also suitable as an overtone oscillator, when the L-C circuit is tuned to a
certain overtone of the crystal.

Another feature of this circuit is that it is suitable to make an overtone oscillator. If
the resonance circuit is tuned to an overtone of the crystal, the gain becomes maximum
at this frequency and the Barkhausen criterion can be fulfilled together with the crystal,
to oscillate the circuit at this overtone frequency.

The phase-lock technique

We have seen that to obtain high-stability oscillations, crystal oscillators can serve at
up to about 100 MHz. For higher frequencies, it is possible to control the frequency of
a voltage controlled oscillator (VCO) with a high-stability crystal oscillator, in other
words, to lock the phase of the VCO to the phase of the crystal oscillator.
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Figure 5.16 Block diagram of a phase-locked loop. Frequencies on the figure correspond to the
locked operation.

0 Vo Vi

Figure 5.17 The presumed behavior of the VCO as a function of the frequency-control voltage.

The block diagram of a phase-locked loop (PLL) is shown in Fig. 5.16. The high-
frequency output signal v, whose frequency is targeted as w,, will be generated by a
VCO, which can be any type of L-C oscillator with a varactor as its tuning element. Assume
that the frequency-control voltage characteristic of the VCO is as shown in Fig. 5.17. The
target frequency is w, and the frequency corresponding to v, = 0 is wqg, which is called as
the “free-running frequency”. A stable reference signal, v,.y, is being generated by a crystal
oscillator, whose frequency must be a fraction of @, such that w,.; = wy/N, where N is an
integer. The output frequency of the VCO is divided by N with a digital frequency divider
and then applied to the input of an analog multiplier,” together with the output signal of the
reference oscillator. The low-pass filter in the loop is usually a simple R-C filter.

To understand the behavior of the circuit, assume that in the beginning the loop is
open at the C connection and the internal input bias voltage of the VCO is zero. For
this case, if we show the output voltages of the reference oscillator, the VCO and the
frequency divider as

° The analog multiplier acts as a phase comparator here. Therefore any other type of a phase comparator, for
example an exclusive-OR circuit, can be used instead.
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Vief = Vref Sin(wreft)
vo = Vo sin(woot + o)

. (W00
= Vx (7 x)
V. sin N + @

the voltage at the output of the multiplier becomes
v = K[V sin(one)] X[ Vs sin(% + )] (5.18)

where k is the multiplication factor of the analog multiplier. Assuming that the
multiplier is linear, (5.18) can be re-written as

1 1
Vm = Eeref Vx cos |:(wref - %)t - pri| - Eeref Vy cos |:(a)ref + %)Z + <PX:|

and the signal at the output of the low-pass filter becomes

I
Ve = 5V ret Vi cos [(wf - %)t - g@x] (5.19)

This means that the control voltage vy varies sinusoidally with a frequency that is equal
to the difference between the frequency of the reference oscillator and that of the
output of the frequency divider. Now, if we close the loop at C, the circuit locks at
vk = Vxo Which corresponds to the targeted output frequency, provided that vy is in the
range of the amplitude of v,.”

Hence, the output frequency becomes equal to @, and maintains this value. But it
must be noted that the reference oscillator checks the frequency of the VCO not at
every period but once every N periods. Therefore, the control voltage at the output of
the low-pass filter (that is a DC voltage when the circuit is locked) must keep its value
for at least N periods.

Phase noise in oscillators

For an ideal sinusoidal oscillator the frequency spectrum contains only one component
at the frequency of oscillation, f;, which is usually called the “carrier”. The com-
ponents at the harmonics of f; indicate a nonlinear distortion on the waveform, which
is an expected imperfection for an electronic circuit (see Fig. 5.18(a)). The unexpected
reality is that the frequency spectrum of an oscillator contains an infinite number of
side-frequencies on both sides of f;,, decreasing with the distance from f;,. The envelope
of the side-frequencies exhibits a noise-like random character, as shown in Fig. 5.18(b).
The power of a side-frequency in a 1 Hz bandwidth relative to the power of the carrier
is called the “phase noise” of the oscillator for this frequency, and defined as

P(fo + Af)Ble)

L(Aw) = IOIOg( ) (5.20)

19 For a detailed explanation of the locking mechanism refer to [47].
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Figure 5.18 (a) The frequency spectrum of a “noiseless” oscillator. (b) The frequency spectrum of
a real oscillator, for the vicinity of f.
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Figure 5.19 (a) Side-bands of a carrier, amplitude modulated with noise (the increase in the
vicinity of the carrier corresponds to the 1/f noise). (b) Side-bands of a carrier, frequency
modulated with white noise.

where (fy + Af)s— 11, is the power density (power for 1Hz bandwidth) of a side-
frequency of fy+ Af.

The physical reason of the noise side-frequencies can be explained by the modu-
lation of f; with the noise in the circuit.

From modulation theory we know that if the amplitude of a carrier is modulated
with a signal of f,, two side-frequencies appear on the frequency spectrum, whose
distances from f; are equal to f;,,, and magnitudes are proportional to the amplitude of
the modulating signal. Then we understand that, if an oscillator is amplitude modu-
lated with “white” noise, two side-bands occur extending to infinity on both sides of fj,
whose envelope has an — almost — constant magnitude. If the noise in the system is
not “white”, for example if the dominant source of the noise is related to the tran-
sistors, owing to the flicker (or 1/f noise), then the magnitudes of the side-frequencies
corresponding to low f, values steadily increase towards the carrier, as shown in
Fig. 5.19(a).
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Figure 5.20 Bessel functions for very small frequency deviations as a function of the frequency
modulation index.

The decreasing side-frequency components shown in Fig. 5.19(b) can be explained
by the frequency modulation of f, i.e. the small Afy fluctuations of the oscillation
frequency around f;. It is known from the modulation theory that if the frequency of
a carrier is modulated with a modulation signal, side-frequencies occur on both
sides of the carrier with a distance of f,, 2fy, 3fm, etc. The magnitudes of these
side-frequencies relative to the magnitude of the carrier depend on the frequency
modulation index, é = Afo/fm, and can be expressed using Bessel functions of the first
kind, Jy, Jp, ..., Jy of &

v = Jy(0) X 4 sin wyt
+ J1(9) x A[sin(wg + wm)t — sin(wg — o 1]
+ J2(0) x Asin(wo + 2w )t + sin(wy — 2w )1
+ J3(0) X A[sin(wo + 3wm)t — sin(wy — 3wm)t] + - - -

where A is the amplitude and v is the instantaneous value of the frequency-modulated
signal. Variations of the Bessel functions as a function of ¢ are given in the literature.'’

In Fig. 5.20 the first three functions for small values of J are shown, which cor-
respond to a small Afy fluctuation of the frequency around f,. From these curves, it can
be seen that the magnitudes of the side-frequencies corresponding to fi,, 2 fin, 3 fm, €tc.
decrease with f;, as shown in Fig. 5.19(b). From Fig. 5.21, the rate of decrease of the
r.m.s. values of the side-frequencies with f,, can be calculated as 19.2 dB/decade,
which is in good agreement with the ~ 20 dB/decade slope obtained from measure-
ments. Similar to the case of amplitude modulation, owing to contribution of flicker

"' For example [48]. But the easiest way is to refer to MATLAB.
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Figure 5.21 The phase noise characteristics of a differential negative resistance oscillator. Curve
(A) and curve (B) correspond to rc =0 and rc = ry, respectively.

noise, the slope of the decrease of the magnitude of the envelope of the side-
frequencies becomes higher in the vicinity of the carrier.

From the typical frequency spectrum of an oscillator shown in Fig. 5.18(b) we
understand that the dominant contribution is related to the frequency modulation of
the carrier with noise. There are several theories to explain the mechanism of this
modulation. According to one of these theories, owing to the noise superimposed onto
the oscillation signal, the zero-crossing points on the time axis may randomly shift
back and forth, which corresponds to frequency modulation with a random and small
frequency deviation [49].

Another theory is based on the random fluctuations of the limit-cycle of the oscillation
that is related to the nonlinearity of the electronic part of the circuit [50]. In a negative
resistance oscillator, for example, the amplitude for which the oscillation stabilizes
depends on the value of the transconductance. The fluctuation of a the transconductance
owing to the noise on the drain current of a transistor results in small variations of the
amplitude and the phase of the oscillation, which changes the limit cycle.

The global frequency stability is certainly another factor that acts on the phase noise
of the amplifier. To minimize the phase noise of an oscillator, it is necessary to try to
minimize the effects of all these factors.

For example, to minimize the noise reaching the resonance circuit, a suitable filter
can be used to by-pass the noise of the tail current source [51]. The amount of the
distortion on the drain current that indicates where the amplitude of the oscillation will
be self-stabilized can be adjusted to a level which minimizes the phase noise. Cer-
tainly, designing the circuit to fulfill the maximum frequency stability condition also
helps to decrease the phase noise.
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Analog—digital interface and
system-level design considerations

In the earlier chapters of this book, we have introduced and examined the structure and
operation of fundamental building blocks, or essential components, of high-frequency
integrated circuits. The emphasis has been on transistor-level operation, the influence
of device characteristics and parasitic effects, as well as the input—output behavior in
time and frequency domains — with the intention to fill the gap between fundamental
electronic circuits textbooks and more advanced RF IC design textbooks that mainly
focus on the state-of-the-art. In this chapter, we will address a different domain and
consider various aspects of “bringing together an entire system”, especially for
interfacing high-frequency analog components with corresponding digital processing
blocks, using data converters. Instead of considering specific system architectures,
the main aspects of system design will be presented with a generic approach in the
following, as much as possible. The main philosophy is very similar to that of the
earlier chapters: discussing design-oriented strategies and drawing attention to key
issues that must be taken into account when combining analog and digital building
blocks. For a detailed discussion of the system components and their circuit-level
realizations, the reader is advised to consult any one of the excellent texts that already
exist in this domain.'

General observations

The vast majority of integrated systems used in communication applications today
consist of analog as well as digital building blocks, combined within one package in
close proximity to each other, or fabricated on a single chip substrate. The majority of
the algorithmic signal processing and modulation is handled by the digital system
blocks, while the high-frequency communication is delegated to the analog HF front-
end. The task of translation between these two domains, i.e. the analog—digital interface,
is the responsibility of the data converters: the analog-to-digital converter (ADC) for
converting analog signals into discrete-time, quantized data, and the digital-to-analog
converter (DAC) for converting the output of digital processing into modulated,
continuous-time, analog signals that can be transmitted over larger distances.

! For a detailed treatment of data converter architectures and the circuit-level realization of key building
blocks, refer to Maloberti [61], Razavi [62], van de Plassche [63], or the Data Conversion Handbook [64].
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Figure 6.1 Simplified block diagram of a generic analog/digital system with data converters.

The role of digital circuitry in conjunction with high-frequency analog components is
not only limited to algorithmic signal processing. Owing to their relatively smaller area
overhead, digital circuits such as simple controllers, lookup tables and coefficient registers
are becoming very convenient means for handling the off-line and on-line calibration of
sensitive analog components. Digital gain and offset calibration of amplifiers, for example,
have become increasingly commonplace. Note that in the case of calibration, circuit speed
is a secondary concern — whereas accuracy, measured in number of bits, is of paramount
importance. Thus, when considering the relation between the analog and digital parts of a
system, it is also increasingly necessary to make a distinction between the high-speed
signal path, which must handle a high data throughput (i.e. high processing speed) in real
time, and the relatively low-speed calibration path, which must — by definition — have a
higher bit resolution than the signal processing path (Fig. 6.1).

One particular observation is that in modern systems, the share of digital blocks is
continuously increasing with respect to the overall system, and the boundary between
the analog and digital modules is becoming more ambiguous. The increasing share of
digital system blocks is mostly reflected in terms of increasing transistor count and
functional complexity — but not necessarily in terms of actual silicon area — which we
have to address in the context of system-level design. In fact, the proportion of the
silicon area that must be reserved for high-frequency analog blocks on a typical mixed-
signal chip is rising with each new technology generation, even though the functional
complexity of the remaining digital system blocks is increasing. This is mainly owing
to the fact that many of the active and passive components in high-frequency analog
circuit blocks cannot be scaled down as easily as their digital counterparts, and this has
to be taken into account in the overall system construction.

To give an example, an RF transceiver is usually defined as the entire system consisting
of functional building blocks such as filters, amplifiers, frequency converters, modulator/
demodulators, oscillators, synthesizers, data converters (ADC/DAC), switches, signal
couplers, etc. The transceiver is not only formed by high-frequency (RF) components but
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also by intermediate frequency (IF) and analog base-band circuitry and devices. The ADC
and DAC are often seen as the boundary between the high-frequency analog parts of the
transceiver and its digital counterpart. However, this boundary is getting increasingly
blurred with state-of-the-art data converters operating at higher sampling rates — in this
sense, the ADC/DAC and the corresponding digital signal processors now take over more
and more functions of the IF and even the RF blocks. Thus, high-speed data converters are
increasingly considered as part of the high-frequency systems, opening up new possi-
bilities for so-called direct conversion systems, especially for mobile applications. The
tendency in system-level design is to shift an increasing portion of high-frequency
functions (including some of the filtering and signal conditioning, etc.) onto the digital
section, as higher sampling and processing speeds become available. It is safe to assume
that this trend will continue in the future. The shifting of data converters closer towards the
analog front-end ultimately decreases the proportion of the analog circuitry in the overall
system, and increases the functional complexity of the digital back-end. While this may
increase the overall robustness and the flexibility of the system (using programmable and/
or reconfigurable digital signal processing), it also increases the demand for higher
conversion bandwidth in the ADC and DAC units (Fig. 6.2).
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Figure 6.2 (a) Example of a conventional super-heterodyne transceiver architecture where the
incoming high-frequency signals are first down-converted to the intermediate frequency (IF)
range, and then to the base-band range, in two steps. The up-conversion is also handled in two
steps. The sampling and conversion from analog into digital are done in the base-band domain.
(b) The so-called “zero-IF” architecture relies on a single frequency down-conversion step, with
the ADC and DAC operating at a higher sampling rate. (¢c) The direct sampling approach relies
on very high-speed converters next to the analog front-end, and the down-conversion (as well as
the corresponding up-conversion) takes place completely in the digital domain.
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Figure 6.2 (cont.)

The interface between analog and digital domains requires particular attention in
system design — especially when defining the specifications on both sides. One sig-
nificant issue that has to be taken into account is that the operational characteristics of
digital circuits and systems are almost exclusively described in the time domain. On
the other hand, most — not all — of the key characteristics of analog circuits are
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Figure 6.3 (a) Sampling of the analog input signal with an ideal sampler circuit. (b) As the
sampling clock pulse width is reduced to an infinitesimally small duration, the sampled output
will approach a sequence of modulated Dirac deltas. (c) Ideal sample-and-hold operation
performed with a linear capacitor at the output of the sampling switch.

preferably described in the frequency domain, as we have seen extensively in the
previous chapters of this book. Successful translation of key design specifications from
one domain to the other requires a good understanding of the fundamental aspects of
sampling theory, which provides the bridge between the continuous-time analog world
and the discrete-time digital world.

Discrete-time sampling

Sampling is the key transformation that is required in all data converters. The sampling
of a continuous-time analog signal can be performed by successive sample-and-hold
operations using a periodic sampling clock, as seen in Fig. 6.3. The output of the
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sampling process is a sequence of pulses whose amplitudes are derived from the input
waveform samples. According to the uniform sampling theorem, a band-limited signal
(i.e. a signal that does not have any spectral component beyond a certain frequency
Jfmax) can be completely reconstructed from a set of uniformly spaced discrete-time
samples, if these samples are obtained with a sampling rate (sampling frequency) of
fs > 2 fmax. Note that, ideally, the output of the sampler is represented by a sequence
of modulated Dirac deltas whose amplitude equals the amplitude of the sampled signal
at the sampling times. Clearly, a practical sampling circuit does not generate a
sequence of deltas but pulses with finite duration. The pulses are intended to represent
the input waveform only at the exact sampling instances, n7, where T = 1/f,. Figure
6.3(a) shows the block diagram of one such ideal sampler, which consists of a lossless,
zero-delay switch, and an ideal unity-gain amplifier with infinite bandwidth. If the
sampling clock pulse width ¢ is reduced to an infinitesimally short duration, the
sampled output pulses will approach a sequence of Dirac deltas, as shown in Fig. 6.3(b).
In practical applications, it is usually preferable to apply a temporary memory (hold)
function at the output of the sampler, so that the amplitude of the sampled signal is
preserved until the next sampling instant. For sampled voltage waveforms, a linear
capacitor at the output of the sampling switch can fulfill this memory function, as
shown in Fig. 6.3(c). This arrangement is commonly known as an ideal sample-and-
hold circuit, with the assumption that the sampling pulse width J can be made
infinitesimally small. At the onset of each sampling clock pulse, the hold capacitor is
instantaneously charged up to the level that corresponds to the input signal at that
moment — and then preserves its charge until the next sampling instant. If the sampling
clock pulse has a finite width, on the other hand, the same idealized circuit operates as
a track-and-hold, where the output follows (tracks) the input during the period when
the sampling clock is active, and then holds its value during the period when the
sampling clock is inactive. To introduce some of the key aspects of sampling, we will
assume ideal sampling with infinitesimally small pulse width, and no holding function,
in the following.

In the following, we present some of the fundamental properties associated with
signal sampling and reconstruction, in order to provide further insight concerning the
operation of data converters. Consider a time-varying signal waveform which has a
band-limited spectrum as shown in Fig. 6.4(a). If this waveform is sampled with an
ideal sampler, at a sampling frequency that is larger than 2 f,.x, the spectrum of the
sampled signal can be reconstructed as depicted in Fig. 6.4(b), consisting of frequency-
domain superposition of an infinite number of replicas of the input spectrum. These
replicas are centered at integer multiples of the sampling frequency f, i.e. with each
image spectrum being shifted along the frequency axis by n f;, where n is an integer.
Hence, the spectrum repeats itself periodically in the frequency domain. As long as the
highest frequency component of the signal spectrum is smaller than one half of the
sampling frequency, the original signal can be reconstructed by using a low-pass filter
to isolate the band-limited signal. If the sampling frequency is less than 2 f;,,.x, on the
other hand, the replicas will partially overlap in the frequency domain (aliasing) and it
will not be possible to reconstruct the original signal.
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Figure 6.4 (a) Time-varying signal waveform and its band-limited frequency spectrum, with f;,.x
showing the highest frequency component. (b) Reconstruction of the sampled signal produces an
infinite number of image spectra, each shifted from the origin by an integer multiple of f,.

It should also be kept in mind that the sampling condition described above must
hold for all spectral components of the sampled signal, including unwanted noise and
interferences. Note that noise usually has an unpredictable spectrum and it can produce
spectral components at any frequency. If the input signal spectrum has an unexpected
noise tail as shown in Fig. 6.5, the folded-shifted image (replica) of the same noise tail
can corrupt the original signal in the sampled spectrum. To prevent this, it is advisable
to filter out any unwanted spectral components that may lie beyond the intended limit
frequency of f,.x using an anti-aliasing filter, before sampling the signal.

Influence of sampling clock jitter

Up to this point, we have considered the conversion of continuous-time analog signals
into discrete-time sampled signals, and their reconstruction back into continuous-time
domain, assuming ideal components and ideal sampling conditions. Under realistic
conditions, however, the sampling process is affected by the uncertainty of the clock
edges in the time domain. The unpredictable variation of the clock edge, mainly owing
to the thermal noise in the clock generator and the uncertainty of the logic delay, is
called the jitter in the actual sampling instants. Sampling of a time-domain signal
waveform in the presence of jitter is illustrated in Fig. 6.6. Note that the magnitude as
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Figure 6.5 Aliasing of noise tails can corrupt the reconstructed signal spectrum. To avoid this, the
bandwidth of the input signal must be limited using an anti-alias filter, prior to sampling.

x(nT)
A
AMT) Yo
| | /
| : Ax(4T)
........ v Ax(0) 5 E
t : e : RN
i 1 Ar(2T) : AAT)
i i i | ‘
l ' ! | >
r 27 3T ur

Figure 6.6 Timing jitter on the sampling clock will result in erroneous sample values, depending
on the amount of timing error and the instantaneous slope of the signal.

well as the sign (direction) of jitter A#(nT) at each sampling instant will change
according to a random distribution function, and independently of the previous sam-
pling periods. The resulting sampling errors Ax(nT) are also indicated in the figure.
The amount of the sampling error depends on the magnitude and sign of the clock
jitter, and also on the magnitude and sign of the time derivative of the sampled input
signal. For a sinusoidal input signal with amplitude A and angular frequency wy, the
sampling error at each sampling instant can be found to be

Ax(nT) = AwoAt(nt) cos(wonT) (6.1)
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From the power of the jitter error, the resulting signal-to-noise ratio owing to clock
jitter can be found as a function of input frequency and the mean clock jitter.

SNRjer = —20log((DJ (1)) wo)dB (6.2)

Here, we assume that the instantaneous jitter amount A#(nT) is found by sampling the
random variable DJ(¢), which is dictated by a white noise spectrum.

Quantization noise

Regarding the conversion of a continuous-time analog signal into a digital data
stream, the discrete-time sampling process examined above is not the only source of
systematic error. In order to process the sampled signal algorithmically by using
binary arithmetic operators, the samples have to be quantized with a finite number of
bits into discrete levels. This quantization process inevitably introduces a finite
resolution for all sampled signals, which manifests itself as a quantization error g in
the system —i.e. as an amplitude difference between the sampled signal and its level-
quantized representation based on a limited number of bits. Under certain conditions,
the quantization error can be represented in the form of quantization noise, which is
reflected onto the signal-to-noise ratio of the data converter.

The main problems associated with the quantization process are illustrated with a
simplified example in Fig. 6.7. Here, only a small section of the full signal range is
shown, with discrete quantization levels described by four bits. It can be seen that for
each discrete-time sampled signal, the quantizer has to perform a thresholding
decision and assign the sample to the nearest discrete amplitude level. Unless the
original sampled signal amplitude exactly corresponds to one of the quantization
levels, the outcome of this thresholding decision is bound to produce an error term, at
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Figure 6.7 Quantization of samples with a finite number of bits which results in quantization
error.
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every sample point. If the dynamic range of the sampled signal can exercise all
quantization levels with equal probability, and if the time-domain variation of the
signal causes frequent code transitions to decorrelate successive samples, then the
resulting quantization error can be treated as quantization noise with a widely spread
spectrum. Assuming a sinusoidal input with the amplitude corresponding to the full
dynamic range of the quantization interval, the time average power of the quant-
ization noise can be calculated as a function of the maximum possible quantization
error at each sample, i.e. the number of bits n used for quantization. Thus, the
maximum achievable signal-to-noise ratio that is owing to quantization of samples
with n bits can be expressed as:

SNunantization = (6021’1 + 178)dB (63)

This means that each additional bit of resolution can improve the SNR of the data
converter by 6.02 dB. Note, however, that the expression (6.3) only accounts for
the quantization noise, owing to a finite number of quantization steps assigned to
the samples. In a real data converter, several other factors — such as thermal noise,
bandwidth limitations of dynamic components, settling time limitations, etc. —
bring about further errors that can also be viewed as additional noise components.
Consequently, the expression given above can be re-written to define the equiva-
lent number of bits (ENOB), with SNR,. representing the combined signal-to-
noise ratio that accounts for all noise sources influencing the signal band of
the data conversion system, including, but not only limited to, the quantization
noise.

ENOB = (SNRyoa1 — 1.78)/6.02 (6.4)

This number is usually specified at a particular sampling frequency, and for a max-
imum bandwidth of the sampled signal. While the bit-resolution of a data converter is
given as an integer number 7, the effective number of bits derived from the expression
above can be a real number, which is always less than n itself. The ENOB nevertheless
provides a good indication of the overall accuracy of the data conversion system, under
the specified operating conditions.

Converter specifications

This brief review of discrete-time sampling, and the limitations imposed by timing
jitter and quantization noise, brings us to the fundamental specifications of data
converters. The following discussion is kept at a sufficiently general level, with the
aim of providing the reader with an introductory understanding of the key issues that
relate to their functional characteristics. The specifications introduced here do not
depend on the specific circuit realizations of the data converters. In the following, we
will categorize the specifications into two broad classes, namely, as static and dynamic
specifications.
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Figure 6.8 Ideal input—output characteristic of the analog-to-digital converter.

Static specifications

The static specifications are exclusively defined on the input—output characteristics
of the data converter. The ideal input—output characteristic of an analog-to-digital
converter (ADC) is a staircase, as depicted in Fig. 6.8, where the horizontal axis
corresponds to the analog input level, and the vertical axis corresponds to the
quantized output codes. Note that each step width is equal to the quantization
interval A = Xgyjirange/ (2"—1), which corresponds to one least-significant-bit
(LSB) in the output code and thereby defines the analog resolution of the con-
verter. In an n-bit converter, the output codes range from 0 to (2"—1) and,
consequently, the input full scale range Xpuirange is divided into (2"—1) quant-
ization intervals, with the decision threshold for each quantization interval placed
in the mid-point. Thus, the quantization error resulting from this thresholding
decision ranges from — (A/2) to + (A/2), becoming equal to zero in the mid-point
of each step. Deviations from this ideal input—output characteristic will manifest
themselves in various ways.

Figure 6.9(a) shows a non-ideal input—output characteristic of an ADC with offset
error, which causes a shift of all quantization steps by an equal amount. The offset
error can also be defined for a DAC. In both cases, the input—output characteristic is
shifted, while remaining parallel to the ideal one. A gain error, on the other hand,
manifests itself as a change in the slope of the transfer characteristic, as shown in
Fig. 6.9(b). In the presence of offset and/or gain error, it is expected that the validity
range of all quantization intervals (and output codes) will change, and in extreme
cases, some of the quantization intervals and the corresponding output codes may not
be exercised at all. Gain and offset errors can occur simultaneously, in which case their
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Figure 6.9 (a) Input—output characteristic with offset error. (b) Input—output characteristic with
gain error.
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Figure 6.10 Deviation of the quantization interval from its ideal width leads to differential
nonlinearity (DNL) error.

effects on the input—output characteristics will overlap. Nevertheless, since both gain
and offset errors are linear non-idealities, they can usually be detected and corrected,
using calibration techniques.

The differential nonlinearity (DNL) error is defined as the deviation of the quant-
ization step (interval) width from that of an ideal step width (Fig. 6.10). This deviation
can occur owing to systematic non-idealities in circuit elements such as the nonlinear
characteristics of transistors, and also as a result of random variations in the size and
value of replicated components such as the resistors in a voltage-divider chain. The
DNL error is usually specified in terms of percentage of the full scale, or in terms of
LSB. Since the error of each quantization interval is measured separately, the stated
DNL value is usually the maximum error among all quantization intervals of the
converter. Regardless of its origin, the DNL error cannot be corrected completely by
calibration, owing to its inherently nonlinear nature. In a data converter with no other
non-idealities, a DNL error with a maximum magnitude of less than 0.5 LSB is usually
tolerable, since the resulting loss of accuracy in this case will always remain less than
one LSB. Figure 6.11 shows the DNL variation of a typical 12-bit ADC, over 4096
individual quantization levels. The maximum deviation remains less than 0.5 LSB,
which is (1/8192) of the full range.

The integral nonlinearity (INL) error is defined as the deviation of the input—
output characteristic from the endpoint-fit line, which practically connects the
starting and ending points of the transfer function (Fig. 6.12). As in the DNL case,
the error is calculated individually for each quantization interval (or for each output
code) and the maximum error among all quantization intervals is cited as the DNL
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Figure 6.11 DNL variation of a 12-bit ADC, over the entire quantization range.
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Figure 6.12 Deviation of the input—output characteristic from the endpoint-fit line.

value, in terms of percentage of the full scale or in terms of LSB. The definition of
the error as the deviation from the endpoint-fit line instead of the ideal interpolating
line effectively decouples the nonlinearity measure from possible offset and gain
errors. A large deviation from the endpoint-fit line corresponds to harmonic dis-
tortion, which also manifests itself on the dynamic specifications. Similarly, a large
DNL term is seen as an additional noise term that impacts the overall SNR, together
with quantization noise. In the example shown in Fig. 6.13 for a 12-bit ADC, the
maximum INL error is seen to be less than 4 LSB. Note the INL error on the two
endpoints is equal to zero since, by definition, the INL is calculated as the deviation
from the endpoint-fit line.
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Figure 6.13 INL variation of a 12-bit ADC, over the entire quantization range.

Frequency-domain dynamic specifications

The signal-to-noise ratio (SNR) is one of the key dynamic characteristics of data
converters. As we have already seen, the upper limit of the SNR of a data converter is
primarily determined by its bit-resolution, i.e. the number of bits used to quantize and
represent the sampled signals. In addition to this quantization noise, the SNR of a data
converter accounts for the influence of all noise sources, within the entire signal
frequency interval. The nonlinear distortion terms generated by the sinusoidal input,
however, are not included in this calculation.

The total harmonic distortion (THD) is the ratio of the root-mean-square value of
the fundamental signal to the mean value of the root-sum-square of its harmonics. Note
that, generally, only the first five harmonics are considered to be significant. The THD
of an ADC is specified with the input signal at full scale.

The signal-to-noise-and-distortion ratio (SNDR or SINAD) is defined as the ratio
between the root-mean-square of the fundamental signal and the root-sum-square of all
harmonic components, plus all noise components. In the literature, this measure is
sometimes also called the total harmonic distortion plus noise (THD+N). Being one of
the quantitative specifications that takes into account all possible noise and distortion
components, the SNDR is typically used to estimate the equivalent number of bits
(ENOB) of a data converter — by replacing SNR ., in Expression (6.4). The SNDR is
usually specified at a given sampling rate, as a function of the input signal frequency,
and also at a given input signal frequency, as a function of the sampling frequency.
Since the linear non-idealities of circuit components (such as bandwidth and settling
time limitations) tend to manifest themselves at higher operating frequencies, the
SNDR usually degrades with frequency. The sampling frequency at which the SNDR
drops by 3dB determines the maximum sampling rate of the converter.

The spurious-free-dynamic range (SFDR) is the ratio of the root-mean-square value
of the signal to the root-mean-square value of the worst spurious signal, regardless of
where this spur is located in the frequency spectrum. The worst spur may or may not be
a harmonic of the original signal. SFDR is an important specification in communications
systems because it represents the smallest value of signal that can be distinguished from
a large interfering signal. Figure 6.14 shows the calculation of the SFDR based on a
sample frequency spectrum, where the distance between the signal peak and the largest
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Figure 6.14 Calculation of SFDR based on a sample frequency spectrum.
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Figure 6.15 Variation of SNDR and SFDR as a function of the sampling clock frequency for a
high-speed pipelined analog-to-digital converter.

spur is shown to be 72.1 dB. As in the case of SNDR, the SFDR values are usually
calculated for the entire input frequency spectrum at a given sampling clock frequency,
and also for a range of sampling clock frequencies at a given input frequency. Figure
6.15 shows the variation of the SNDR and SFDR of a pipelined ADC as a function of the
sampling frequency, at an input frequency of 20 MHz. It can be seen that both SNDR
and SFDR curves tend to roll off as the sampling frequency is increased, and they both
drop by more than 3 dB beyond the usable sampling speed limit of the ADC.
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It is interesting to note that the three important frequency-domain specifications
discussed here, namely, SNR, THD and SNDR, are linked in a very straightforward
manner. These three measures are defined as the numerical ratios of (S/N), (S/D) and
(S/(N+D)), respectively:

SNR = 20 log(S/N)
THD = 201log(S/D)
SNDR = 20log[S/(N + D)] (6.5)

With simple manipulation, it can be shown that any one of these three specifications
can be derived using the following expressions, as long as the remaining two are
known:

SNR = —101log(10~S"PR/10 4 10~THP/10)
THD = —10log(10~SVPR/10 | 10=SNR/10)
SNDR = —10log(10~SVF/10 4 19~ T1P/10) (6.6)

Additional observations on noise in high-frequency ICs

We have already seen that the continuing trends in technology are enabling the
integration of complete systems on a single die, which may include a combination of
RF transceivers, analog processing, A/D and D/A conversion as well as complex
digital functions and memory on a single chip. However, when sensitive analog parts
are combined with complex digital blocks operating at very high switching frequen-
cies, the noise generated by the digital parts is inevitably transmitted to the analog
blocks, predominantly through the common substrate, resulting in a reduction of the
dynamic range, or reduction of the accuracy of the analog circuits. While discussing
the co-existence of high-frequency, high-sensitivity analog blocks with high-speed
digital blocks, this fact also has to be taken into account.

Noise in digital CMOS circuits is mainly generated by the rapid voltage variations
caused by the switching of logic states, and the related charge-up/charge-down cur-
rents. In a conventional CMOS logic gate, the rapid change of voltage in internal nodes
is coupled to the substrate through junction or wiring capacitances, causing charges to
be injected into the substrate. Eventually, these substrate currents cause voltage drops
that can perturb analog circuits through capacitive coupling and through variation of
the threshold voltage owing to a body effect. Additionally, the high instantaneous
currents needed to rapidly charge or discharge parasitic capacitances add up to large
current spikes in the supply and ground distribution networks, a phenomenon known as
simultaneous switching noise (SSN). These current spikes cause voltage noise pri-
marily through the inductance of off-chip bond-wires and on-chip power-supply rails.
Ground supply networks are usually connected to the substrate, resulting in a direct
coupling of the noise, and power networks are typically connected to very large N-well
areas, resulting in a consequently very large parasitic coupling capacitance to the
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substrate. Therefore, power and ground distribution networks are very noisy in CMOS
circuits, and at the same time ideal mediums for the noise coupling to the substrate.
Signal nets can also couple to the substrate, through diffusion and wiring capacitances,
and signals with high energy and switching activity are thus critical from a noise
perspective. This is the case especially for clock networks, which carry the most active
signals and dissipate large amounts of power.

Two effective techniques to reduce the noise generation in digital circuits are the
reduction of the voltage swings and the cancellation of transient currents during
switching events. Specialized logic circuit families (single-ended and differential) that
generate less noise than classical CMOS logic can be implemented, and are thus
suitable for integration in a mixed-mode environment as a replacement or as a com-
plement of CMOS logic.

Experimental studies have shown that single-ended logic families achieve only
marginal improvement over regular CMOS in terms of noise. While differential logic
families are the most promising candidates that offer improved noise reduction,
traditional automation tools and design flows fail to accommodate many aspects
associated with their differential nature. For this reason, large-scale implementation of
digital circuits with low-noise differential logic families and their integration with
high-sensitivity analog circuits remains a difficult task, which poses significant chal-
lenges for future systems design.



Appendix A
Mobility degradation due to the
transversal field

In Chapter | it was mentioned that, especially for small-geometry (thin gate-oxide)
MOS transistors, the electron and hole mobilities dramatically decrease due to the
transversal electric field on the channel region. This effect is investigated in several
publications and modeled in all advanced transistor models.
In this appendix the degradation curves of electron and hole mobilities of surface
channel NMOS and PMOS transistors are given for certain typical technologies.
The curves were based on the expressions given in Refs. [3] and [4].
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Figure A.1 Relative variation of the channel electron mobility of typical NMOS transistors as a
function of the gate overdrive voltage.

Curve A: for a typical 0.35 micron technology (Vin=0.5 V, Tox =7.5 nm).

Curve B: for a typical 0.18 micron technology (Vrn=0.35 V, T,x =4 nm).

Curve C: for a typical 0.13 micron technology (Vrn=0.25V, Tox =2.3 nm).
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Figure A2 Relative variation of the surface channel hole mobility of typical PMOS transistors as
a function of the gate overdrive voltage.

Curve A: for a typical 0.35 micron technology (Vyp=—1 V, T,x =7.5 nm).

Curve B: for a typical 0.18 micron technology (Vrp=—0.35 V, To,x =4 nm).

Curve C: for a typical 0.13 micron technology (Vrp=—0.20V, T,x =2.3 nm).
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Characteristic curves and parameters
of AMS 0.35 micron NMOS and PMOS

transistors
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Figure B.1 The output characteristics of an AMS 0.35 NMOS transistor (L=0.35 pm, W=35 pum,
Vgs = 0.6 V=1.1 V).

NMOS basic parameters for hand calculations (obtained from BSIM3-v3
parameters and rounded)

V1(0) = 0.5 [V], p,9 = 475[cm?/V 5]

Toe = 7.6 [nm], Cox = 4.54 x 107 [F/cmz] —4.54 [fF/umz]

Cpco = Csgo = 1.2 x 107'°[F/m] = 0.12[fF /um], Cgpo = 1.1 x 107'°[F/m]| = 0.11[fF/um|
Ci(0) =9.4% 107 [F/mﬂ =0.94 [fF/umz}, Ciow(0) = 2.5 x 107 19[F /m] = 0.25[fF /um]
RDSW = 345[ohm/um], RSH = 75[ohm//square]

?

A=0.073 [V’l} (derived from output curves)
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Figure B.2 The output characteristics of an AMS 0.35 PMOS transistor (L=0.35 Vpg (V) um,
W=35 um, Vgs = 0.6 V-1.3 V).

PMOS basic parameters for hand calculations (obtained from BSIM3-v3
parameters and rounded)

V1(0) = —0.7[V], i, = 148[cm’ /V s]

Tox = 7.6[nm], Cox = 4.54x 1077 [F/cmz] — 454 {fF/umz}

Cboo = Csgo = 8.6 x 10711 [F/m] = 0.086[fF /um], C;(0) = 1.36 x 1073 [F/mz] = 1.36[fF/pm2]
Ci(0) =136 x 1072 [F/mﬂ - 1.36[fF/p,m2}, Ciaw(0) = 3.2 x 107 "°[F /m] = 0.25[fF /pm]
RDSW = 1033[ohm/um], RSH = 130[ohm/square]

4 =02[V"'] (derived from output curves)
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BSIM3-v3 parameters of AMS 0.35
micron NMOS and PMOS transistors

BSIM3-v3 parameters of AMS 035 micron NMOS and PMOS transistors'

.MODEL MODN NMOS LEVEL=7

*

wHdkxEEFE AMS 0.35 SIMULATION PARAMETERS #####*k#x
%

* format : PSPICE

* model : MOS BSIM3v3

* process : C35

* revision : 3.1;

* extracted : B10866 ; 2002—-12; ese(487)

* doc# : ENG-182 REV_3

k

TYPICAL MEAN CONDITION

*
%
*
* ##% Flags *%*

+MOBMOD = 1.000e+-00 CAPMOD =2.000e+-00
+NOIMOD = 3.000e+-00

* *** Threshold-voltage related model parameters ***

+K1=5.0296e—01

+K2 =3.3985¢—02 K3 =—1.136e+00 K3B = —-4.399¢—01
+NCH =2.611e+17 VTHO =4.979¢—01

+VOFF=-8.925¢—02 DVTO0=5.000e+01 DVTI1 = 1.039¢+00
+DVT2 =-8.375¢e—03 KETA =2.032e—02

! Note that usually there are several versions of device parameters for transistors with the same lithographic

dimensions. The parameters given in this appendix are related to one of the conventional 0.35 um devices
fabricated by Austria Micro Systems AG (abreviated as AMS). Other parameter sets (e.g. high voltage
version), detailed technology data, as well as layout design rules can be requested directly from the
foundry and/or from academic service organizations such as EUROPRACTICE.
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+PSCBE1 =3.518e+-08 PSCBE2 =7.491e—05
+DVTOW =1.089¢—01 DVTIW =6.671e+04 DVT2W =—1.352e—02

* **% Mobility related model parameters ***

+UA =4.705e—12 UB =2.137e—18 UC =1.000e—-20
+U0 =4.758¢e+-02

* *#% Subthreshold related parameters ***

+DSUB =5.000e—01 ETAO0=1.415e—02 ETAB =—1.221e—01
+NFACTOR=4.136e—01

* *** Saturation related parameters ***

+EM =4.100e+07 PCLM =6.948e—01

+PDIBLC1 =571e—01 PDIBLC2 =2.065¢e—03 DROUT =5.000e—01
+A0=2.541e+400 A1 =0.000e+00 A2 =1.000e+00
+PVAG =0.000e+00 VSAT =1.338e+05 AGS =2.408e—01
+B0=4.301e—09 B1=0.000e+4-00 DELTA =1.442¢—02
+PDIBLCB =3.222e—01

* *** Geometry modulation related parameters ***

+W0=2.673e—07 DLC =3.0000e—08

+DWB = 0.000e+00 DWG =0.000e+00

+LL =0.000e+4-00 LW =0.000e+00 LWL =0.000e+00
+LLN =1.000e+00 LWN =1.000e+00 WL =0.000e+-00
+WW =-1.297e—14 WWL =-9.411e-21 WLN =1.000e+00
+WWN =1.000e+00

* **% Temperature effect parameters ***

+AT =3.300e+04 UTE =—-1.800e+-00

+KT1=-3.302¢—01 KT2 =2.200e—02 KTIL =0.000e+00
+UA1=0.000e+00 UB1 =0.000e+00 UC1=0.000e+00
+PRT =0.000e+00

* **% Overlap capacitance related and dynamic model parameters ***
+CGDO =1.200e—10 CGSO =1.200e—10 CGBO =1.100e—10
+CGDL =1.310e—10 CGSL =1.310e—10 CKAPPA =6.000e—01
+CF =0.000e+-00 ELM =5.000e+00

+XPART =1.000e+00 CLC=1.000e—15 CLE =6.000e—01

* **% Parasitic resistance and capacitance related model parameters ***
+RDSW =3.449¢+-02

+CDSC =0.000e+00 CDSCB = 1.500e—03 CDSCD =1.000e—03
+PRWB = —2.416e—01 PRWG =0.000e+-00 CIT =4.441e—04

* **% Process and parameters extraction related model parameters ***
+TOX =7.575e—09 NGATE =0.000e+00

+NLX =1.888e—07
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* **% Substrate current related model parameters ***
+ALPHAO0 =0.000e+00 BETAO0 =3.000e+01

* *#%* Noise-effect related model parameters ***
+AF =1.507¢+-00 KF =2.170e—26
+NOIA =1.121e+19 NOIB =5.336e+04

EF = 1.000e+-00
NOIC =—-5.892e—13

* **% Common extrinsic model parameters ***
+LINT = —5.005¢—08 WINT =9.4030e—08
+RSH =7.000e+01 JS =1.000e—05
+CJ=9.400e—04 CISW =2.500e—10
+CBD =0.000e+00 CBS =0.000e+-00
+MJ =3.400e—01 N =1.000e+00

+PB =6.900e—01 TT =0.000e+00
+PBSW =6.900e—01

XJ=3.000e—07

IS =0.000e+-00
MIJSW =2.300e—01

MODEL MODP PMOS LEVEL=7

* format : PSPICE

* model : MOS BSIM3v3

* process : C35

* revision : 3.1;

* extracted : C64685 ; 2002-12; ese(487)
* doc# : ENG-182 REV_3

*

TYPICAL MEAN CONDITION

%
%
%
% skskok Flags sk

+MOBMOD =1.000e+-00
+NOIMOD =3.000e+-00

CAPMOD = 2.000e+-00

* *%% Threshold-voltage related model parameters ***
+K1=5.995%9¢—-01
+K2 =—6.038¢—02

K3 =1.103e+01 K3B =-7.580e—01

+NCH =9.240e+16
+VOFF =—1.170e—01
+DVT2 =1.659¢—02

+PSCBEI =5.000e+-09

+DVTOW =1.879¢—01

VTHO =—-6.915¢—-01
DVTO0 =1.650e+-00
KETA =—1.440e—02
PSCBE2 =1.000e—04
DVTIW =7.335e+-04

* *** Mobility related model parameters ***

+UA =5.394e—10
+U0 = 1.482e-+02

UB =1.053e—18

DVTI1 =3.868e—01

DVT2W =-6.312e—03

UC =1.000e—20
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* *#% Subthreshold related parameters ***
+DSUB =5.000e—01 ETA0=2.480e—01
+NFACTOR=1.214e+-00

ETAB =—-3.917¢e—03

* *#% Saturation related parameters ***

+EM =4.100e+-07 PCLM =3.184¢e+00
+PDIBLC1=1.000e—04 PDIBLC2=1.000e—20
+A0=5.850e—01 A1=0.000e+00
+PVAG =0.000e+00 VSAT =1.158e+05
+B0 =8.832e—08 B1=0.000e+-00
+PDIBLCB=1.000e+00

DROUT =5.000e—01
A2 =1.000e+00
AGS =2.468e—01
DELTA=1.000e—02

* *** Geometry modulation related parameters ***
+W0=1.000e—10 DLC =2.4500e—08

+DWB =0.000e+00
+LL =0.000e+-00
+LLN =1.000e+00
+WW =1.894e—16

DWG =0.000e+00
LW =0.000e+00
LWN =1.000e+00
WWL =—-1.981e—-21

LWL =0.000e+-00
WL =0.000e+00
WLN =1.000e+00

+WWN =1.040e4-00

* *** Temperature effect parameters ***
+AT =3.300e+-04 UTE = —1.300e+-00
+KT1 =-5.403e—01 KT2 =2.200e—02
+UA1 =0.000e+00 UBI1 =0.000e+-00
+PRT =0.000e+00

KTI1L =0.000e4-00
UC1 =0.000e+-00

* **%* Qverlap capacitance related and dynamic model parameters ***
+CGDO =8.600e—11 CGSO =8.600e—11 CGBO =1.100e—10
+CGDL =1.080e—10 CGSL =1.080e—10 CKAPPA =6.000e—01
+CF =0.000e+-00 ELM = 5.000e+00

+XPART = 1.000e+00 CLC=1.000e—15 CLE =6.000e—01

* *** Parasitic resistance and capacitance related model parameters ***
+RDSW =1.033e+03
+CDSC =2.589e—03
+PRWB =-9.731e—02

CDSCB =2.943e—04
PRWG =1.477e—-01

CDSCD =4.370e—04
CIT = 0.000e+00

* *** Process and parameters extraction related model parameters ***
+TOX=7.754e—09 NGATE=0.000e+00
+NLX=1.770e—07

* **% Substrate current related model parameters ***
+ALPHA0=0.000e+00 BETA0=3.000e+01

* *** Noise-effect related model parameters ***
+AF=1.461e+00 KF=1.191e—26
+NOIA =5.245¢+17 NOIB =4.816¢+03

EF=1.000e+00
NOIC =8.036e—13



* **% Common extrinsic model parameters ***
+LINT =—7.130e—08 WINT =3.4490e—08
+RSH =1.290e+02 JS =9.000e—05
+CJ=1.360e—03 CISW =3.200e—10
+CBD=0.000e+00 CBS =0.000e+-00
+MJ =5.600e—01 N =1.000e+00

+PB =1.020e+00 TT = 0.000e+-00

+PBSW=1.020e+-00

sk
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XJ=3.000e—07

1S=0.000e+00
MJSW=4.300e—01
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Appendix D
Current sources and current mirrors

Current sources and mirrors are among the most important building blocks of analog
CMOS circuits and are being extensively used as DC current sources, DC current
mirrors and AC current mirrors. For DC and AC current mirrors, the mirroring factor
can be unity, or more than unity; in other words a current mirror can be considered and
used as a current amplifier.

In this appendix, first the DC behavior of the DC current sources and current mirrors
will be analyzed. Afterwards, the frequency characteristics of AC current mirrors,
which have severe effects on the overall performance of many circuits, will be
investigated in some detail.

DC current sources

The simplest MOS current source is a MOS transistor operating in the saturation
region, i.e. Vps > (Vgs — V1), (Fig. D.1(a)). Here “load” represents the circuit to be
fed by this current source. The current is mainly determined by the gate—source
voltage Vs, but owing to the channel length modulation effect, also has a weak
dependence on Vps. We know from (1.14b) that the load current can be expressed as

oL 142 Vs
L= oM L 1+;L.(VGS_VT)

(D.1)

5 (Vas — VT)2<

In this circuit, owing to the quadratic character of the load current—control voltage
relation, the sensitivity is high. Therefore, to obtain a certain desired load current it is
necessary to adjust and maintain Vgg at an appropriate value with precision.

Another way to bias the current-source transistor is shown in Fig. D.1(b). In this
circuit the gate bias of the current-source transistor M2 is determined as the gate—
source voltage of the diode connected transistor M1, biased with a constant drain bias
current, or “reference current”, I;. Figure D.1(c) shows the multiple output version of
the circuit, sharing the same reference transistor.

From (1.14b), the drain currents of M1 and M2 in Fig. D.1(b) can be written as

1 W 2( 1+ Was )

I = ~ 1, Cox = (Vas — D2
o = gt Con - Was = MO\ T~y (D-2a)
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Figure D.1 (a) A MOS transistor as a DC current source. (b) Single output, (c) multiple output
basic MOS current mirrors.

1 W2 2 1 + A VDSZ
I =-u Co— (Vgs — V- _ D.2b
L= 5#aCon 7 Vos = V1) (1+,1(VGS—VT) (D.2b)
From these expressions I}, can be solved in terms of the reference current /;:
Wy 1+ AV
L= 2 Vs gy (D.3)

W+ Vs

Expression (D.3) shows that for this circuit the load current is proportional to the
reference current. The mirroring coefficient is
I . Wy 1+ A.Vpsy

B="-="

=2 D.4

and mainly depends on the ratio of the widths. The secondary effects of A and Vpg, on
B are negligible only for long-channel-length transistors. The sensitivity of the load
current with respect to the variations of Vpg (in other words the variations of the DC
resistance of the load circuit) can be calculated as

d]L _ W2 /1
dVpsy Wy "1+ AVgs

(D.5)

which is also equal to the small-signal output conductance of M2, in other words the
internal conductance of the current source.

To approach an ideal current source, which has a zero internal conductance, A must
be as small as possible, in other words long-channel transistors must be used, to the
expense of the increase of the parasitics. There are several alternative solutions to
obtain a very low internal conductance. One of them, the cascode current mirror, is
shown in Fig. D.2. Although the low-frequency small-signal output conductance of
this circuit is considerably lower than that of the basic circuit given in Fig. D.1(b), it
has a severe drawback. In this circuit there is more than one transistor on the load
current path and each additional transistor “steals” from the supply voltage budget,
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+Vpp

1 l load

Figure D.2 Cascode current mirror.

which is getting increasingly limited with diminishing supply voltages. Consequently,
for small-geometry—low-voltage circuits, using the basic circuit with sufficiently larger
channel lengths is more advantageous.

Frequency characteristics of basic current mirrors

Current mirrors are being extensively used to mirror the AC current of a branch to
another branch in many analog circuits. The mirroring coefficient can be unity as in the
active loads of a differential pair or can have a value greater than unity, as in some
OTA circuits, as investigated in Chapter 3.

The small-signal equivalent circuit of a current mirror with its main parasitics is
given in Fig D.3(a). The parasitic capacitances in this circuit are as follows.

e The total gate—source capacitance of M1, which is the sum of the gate capacitance
and the gate—source overlap capacitance:

2  CGSO
= X Ll —
Cgs1 = Cox Wy <3 + CoL

) = olcoxWIL

e The total gate—source capacitance of M2, which is the sum of the gate capacitance
and the gate—source overlap capacitance:

2  CGSO
Cor = Cox WL | =
gs2 o 2 <3+ CoxL

) = kol CoxW>L

e The gate—drain capacitance of M2:
Cagr = CGDOX W, = CGSOX W,
e The total drain junction capacitance of M1:

2 G
Ciai 2 WX\ Cj |1+
jdl 1X1 J[ +Xl G

}:mmq
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Figure D.3 (a) The small-signal equivalent circuit of the basic current source. (b) and
(c) Simplification and application of the modified Miller transformation. (d) Simplified circuit
for 1YLI>> lgqsr +jwCygl to calculate B.
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where X; denotes the second dimension of the drain area, Cj the bottom junction cap-
acitance per unit area and Cj,, the side-wall capacitance per unit length (see Chapter 1).
The current transfer ratio of the mirror can be found from Fig. D.3(d):

B=2_pSE=%) (D.6)
i 50 (s —8p)
where
gm2 &m1 + Zdst Zgmi
Sq = + §y = —— D7
‘ Cap . Cr Cr (D7)

and the low-frequency value of B,

m. m. W
Bozg—zg&g_z (D.8)

(gmi +&as1)  gm W
The magnitude of the zero frequency is obviously very high compared to that of the
pole frequency, the pole strongly dominates and the 3 dB frequency is determined by
the pole:

~ Lgml
- 2n CT

f(3am) (D.9)

In this expression g, depends on the geometry, the DC operating conditions and
the mode of operation. It is known that the transistors can operate either in the normal
saturation region (the pre-velocity saturation region) or in the velocity saturation
region, depending on the channel length and the DC operating point. The value of the
gate—source capacitance that is the dominant component of Cr is also different for
non-velocity saturated and velocity saturated regimes. Therefore the 3 dB frequency of
a current mirror must be investigated separately for these two cases.

Frequency characteristics for normal saturation

If the transistors of the current mirror are operating in the pre-velocity saturation mode,
the transconductance of the reference transistor and the total capacitance of the input
node are

W,
Zml %#COXTI(VGS - V1)

and

Cr = Cys1 + Cos2 + Cyg2 + Cji
= kolCox LW + kot Cox LW, + CGDO - W, —|—X1CJ</W1

which can be arranged as

Cr = W [kaCoxL(1 + By) + By - CGDO + X, Cj’} (D.10)
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The 3 dB frequency of the gain function can be arranged assuming gp; > gge1 and
Cgso = Cgpo, Which is reasonable for most cases, as

#(Vas — V)
k0|L2(1 +BO) +BO%§?0+LX1 Ciojx}

Jaas) =
|

From this expression it is possible to examine the effects of any one of the par-
ameters, and to reach valuable design hints. It can be easily seen that the 3 dB
frequency

decreases with By (or with the number of outputs),

strongly decreases with the channel length,

is independent of the gate width,

increases with mobility (NMOS is better),

increases with the gate overdrive, or the DC current of the source transistor.

The parameters in these expressions are directly given in the model parameter lists,
except u. Especially for gate oxide thicknesses smaller than 10 nm, the value of x must
be calculated in terms of the gate voltage (see Chapter 1). The Cj and Cjs,, values given
in the model parameter lists correspond to zero junction voltage. The actual values of
these capacitances are smaller owing to the reverse bias of the junction.

Frequency characteristics under velocity saturation

We know that for small gate lengths — and especially for NMOS transistors — the
operating mode must be checked to see if the transistor is in the velocity saturation
mode, or not. If the transistor is operating in the velocity saturation mode, the trans-
conductance must be calculated from (1.34) as g, = CoxWv,. In addition, the gate—
source capacitance of a velocity saturated transistor is Cys = Cox WL + (CGSO X W), as
derived in Problem 1.1.

Using these parameters the 3 dB frequency can be found as

kvsat
C/
L(1 4 By) + By L—'Ccffo +Xi o

SaB) =

This expression can be interpreted as follows.

e The 3dB frequency of a transistor does not change with the operating point,
provided that the transistor remains in velocity saturation.

e The gate-length dependence of the 3 dB frequency of a velocity saturated transistor
is not as severe as that of a non-velocity saturated transistor.

e The 3dB frequencies of NMOS and PMOS transistors are approximately equal,
provided that both are in velocity saturation.
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