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CHAPTER 1

System
Considerations

1.1 Regulators in Power Management

Supplying and conditioning power are the most fundamental func-
tions of an electrical system. A loading application, be it a cellular
phone, pager, or wireless sensor node, cannot sustain itself without
energy, and cannot fully perform its functions without a stable sup-
ply. The fact is transformers, generators, batteries, and other off-line
supplies incur substantial voltage and current variations across time
and over a wide range of operating conditions. They are normally
noisy and jittery not only because of their inherent nature but also
because high-power switching circuits like central-processing units
(CPUs) and digital signal-processing (DSP) circuits usually load it.
These rapidly changing loads cause transient excursions in the sup-
posedly noise-free supply, the end results of which are undesired volt-
age droops and frequency spurs where only a dc component should
exist. The role of the voltage regulator is to convert these unpredictable
and noisy supplies to stable, constant, accurate, and load-independent
voltages, attenuating these ill-fated fluctuations to lower and more
acceptable levels.

The regulation function is especially important in high-performance
applications where systems are increasingly more integrated and
complex. A system-on-chip (SoC) solution, for instance, incorporates
numerous functions, many of which switch simultaneously with the
clock, demanding both high-power and fast-response times in short
consecutive bursts. Not responding quickly to one of these load-current
transitions (i.e., load dumps) forces storage capacitors to supply the
full load and subsequently suffer considerable transient fluctuations
in the supply. The bandwidth performance of the regulator, that is, its
ability to respond quickly, determines the magnitude and extent of
these transient variations.

Regulators also protect and filter integrated circuits (ICs) from expo-
sure to voltages exceeding junction-breakdown levels. The requirement
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is more stringent and acute in emergent state-of-the-art technologies
whose susceptibility to breakdown voltages can be less than 2 V. The
growing demand for space-efficient, single-chip solutions, which
include SoC, system-in-package (SiP), and system-on-package (SoP)
implementations, drives process technologies to finer photolitho-
graphic and metal-pitch dimensions. Unfortunately, the maximum
voltage an IC can sustain before the onset of a breakdown failure
declines with decreasing dimensions and pitch because as the compo-
nent density increases, isolation barriers deteriorate.

References, like regulators, generate and regulate accurate and sta-
ble output voltages that are impervious to variations in the input sup-
ply, loading environment, and various operating conditions. Unlike
regulators, however, references do not supply substantial dc currents.
Although a good reference may shunt positive and negative noise cur-
rents, its total load-current reach is still relatively low. In practice, refer-
ences supply up to 1 mA and regulators from 5 mA to several amps.

Linear versus Switching Regulators

A voltage regulator is normally a buffered reference: a bias voltage
cascaded with a noninverting op-amp capable of driving large load
currents in shunt-feedback configuration. Bearing in mind the broad
range of load currents possible, regulators are, on a basic level, gener-
ally classified as linear or switching. Linear regulators, also called series
regulators, linearly modulate the conductance of a series pass switch
connected between an input dc supply and the regulated output
to ensure the output voltage is a predetermined ratio of its bias ref-
erence voltage, as illustrated in Fig. 1.1a. The term “series” refers to
the pass element (or switch device) that is in series with the unregu-
lated supply and the load. Since the current flow and its control are

NortE oN TEXT: To complement and augment the verbal explanations
presented in this book, an effort has been made to conform variable
names to standard small-signal and steady-state naming conven-
tions. Signals embodying both small-signal and dc components use
a smaller-case name with uppercase subscripts, like for instance
output voltage v, ;. When referring only to the dc component, all
capitals are used, as in V,,, and similarly, when only referring to
small-signal values, the entire name, including subscripts, is in lower

case, as in v, ;. As also illustrated by the previous example, the vari-

ables adopt functionally intuitive names. The first letter usually
describes the signal type and its dimensional units such as v for volt-
age, i for current, A or G for amplifying gain, p for power, and so on.

The subscript tends to describe the function or node to which the

variable is attached, such as “out” for the output of the regulator,

“reg” for a regulated parameter, and so on.
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continuous in time, the circuit is linear and analog in nature, and
because it can only supply power through a linearly controlled series
switch, its output voltage cannot exceed its unregulated input supply
(e, Voyr < Vi)

A switching regulator is the counterpart to the linear solution, and
because of its switching nature, it can accommodate both alternating-
current (ac) and direct-current (dc) input and output voltages, which
is why it can support ac-ac, ac-dc, dc-ac, and dc-dc converter functions.
Within the context of ICs, however, dc-dc converters predominate
because the ICs derive power from available dc batteries and off-line
ac-dc converters, and most loading applications in the IC and outside
of it demand dc supplies to operate. Nevertheless, given its ac-dc con-
verting capabilities, switching regulators are also termed switching con-
verters, even if only dc-dc functions are performed.

From a circuit perspective, the driving difference between linear
and switching regulators is that the latter is mixed-mode with both
analog and digital components in the feedback loop (Fig. 1.1b). The
basic idea in the switching converter is to alternately energize induc-
tors and/or capacitors from the supply and de-energize them into the
load, transferring energy via quasi-lossless energy-storage devices. To
control the network, the circuit feeds back and converts an analog
error signal into a pulse-width-modulated (PWM) digital-pulse train
whose on-off states determine the connectivity of the aforementioned
switching network. From a signal-processing perspective, the func-
tion of the switching network is to low-pass-filter the supply-level
swings of the digital train down to a millivolt analog signal, the aver-
age of which is the regulated output.

The blocks that normally comprise a dc-dc converter include a
PWM controller, which is the combination of an analog linear ampli-
fier and a pulse-width-modulated analog-digital converter, as shown
in Fig. 1.1b, synchronous and/or asynchronous switches (i.e., transis-
tors and/or diodes), capacitors, and, in many cases, inductors. Many
switched-capacitor implementations do not require power inductors,
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sometimes making total chip integration possible. These integrated,
inductorless converters, however, cannot typically supply the high-
current levels the discrete power inductors can, which is why they
normally satisfy a relatively smaller market niche in low-power
applications.

Switching regulators, unlike their linear counterparts, are capable
of generating a wide range of output voltages, including values below
and above the input supply. Buck converters, for instance, generate
output voltages lower than the input supply (i.e., V. < V) while
boost converters deliver the opposite (i.e., V. > V| )—charge pump is
the name normally applied to an inductorless buck or boost con-
verter. Buck-boost converters, as the name implies, are a combination
of both buck and boost circuits and they are consequently capable of
regulating output voltages both above and below the input supply. In
spite of the apparent flexibility and advantages of switching supplies,
however, linear regulators remain popular in consumer and high-
performance electronics, as the next subsection will illustrate.

1.2.1 Speed Tradeoffs

Linear regulators tend to be simpler and faster than switching con-
verters. As Fig. 1.1 illustrates, there are fewer components in a linear
regulator, which imply two things: simplicity and less delay through
the feedback loop, in other words, higher bandwidth and therefore
faster response. The PWM controller, and more specifically, the pulse-
width-modulated analog-to-digital converter, is generally a relatively
laborious block to design, often requiring a clock, comparators, non-
overlapping digital drivers, and a saw-tooth triangular-wave genera-
tor. For a stable switching converter in negative feedback, the switch-
ing frequency is often a decade above the bandwidth of the loop,
further limiting its response time to orders of magnitude below the
transitional frequency (f,) of the transistors available in a given pro-
cess technology. Because of this, and the fact they are relatively com-
plex circuits (i.e., more delays across the loop), dc-dc converters
require more time to respond than linear regulators, 2-8 ps versus
0.25-1 ps. The switching frequencies of these devices are between 20
kHz and 10 MHz. Although higher switching frequencies can reduce
the ripple content of the output voltage and/or relax the LC-filter
requirements, they are often prohibitive because they increase the
switching power losses of the converter beyond acceptable limits—
increasing power losses demands more energy from the battery and
therefore reduces its runtime.

1.2.2 Noise

Switching regulators are noisier than their linear counterparts are, and
Fig. 1.1 illustrates this by the presence of digital signals in the ac-feedback
path of the circuit. Power switches, which are large devices conducting
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high currents, must switch at relatively high frequencies, forcing their
driving signals to be fast and abrupt and injecting noise into the
energy-storage devices used to supply the loading circuits. The noise
is especially prevalent in boost configurations where radio-frequency
(RF) noise tends to be worse. Start-stop clock operation, like on-off
sleep-mode transitions, further aggravates noise content with low-
and high-frequency harmonics.

1.2.3 Efficiency

Switching regulators have one redeeming quality when compared to
linear regulators: they are power efficient. The fact is the voltage (and
therefore power) across the power switches in a dc-dc converter are
far lower (e.g., 10-100 mV) than the voltage across the series pass
device of a linear regulator, which is the difference between the
unregulated input and regulated output (e.g., 0.3-2 V). Allowing the
regulator to dissipate (not deliver) a larger proportion of power
results in decreased power efficiency, which is an important metric in
power-conditioning circuits defined as the ratio of output power P .
to input power P, where the latter comprises delivered output
power P . and consumed power losses P :

n= POUT — POUT (1 1)
PIN PREG + POUT

Switching regulators commonly achieve efficiencies between 80
and 95%. In the case of linear regulators, quiescent-current flow I,
and the voltage difference between the unregulated supply V, and
regulated output V  limit power-efficiency performance to consid-
erably lower levels,

V. V.

ILOAD OuT < ouT

n in-Reg —
Lin-Reg (ILOAD + IQ )‘/IN ‘/IN

(1.2)

where I, is the load current and quiescent current I, flows to
ground, not the load. The maximum possible efficiency a series regu-
lator can attain is therefore the ratio of the output and input supply
voltages, even if its quiescent current nears zero. For instance, the
maximum power efficiency a 2.5 V linear regulator can ever achieve
while powered from a 5 V input supply is only 50%.

Power efficiency in a linear regulator increases with lower input-
output voltage differentials. For instance, if in the above-stated exam-
ple the regulator drew power from a 3.3 V input supply, the efficiency
would have been 76%, or from a 2.8 V input supply, 89%. This char-

acteristic holds true only if average load current I, , is considerably
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greater than average quiescent current I, which is typical when a full
load is presented, but not when the system is idling or asleep. Conse-
quently, when the voltage drop between the unregulated supply and
the output is relatively low (i.e., V| - V. < 0.3 V), linear regulators
are often preferred over their switching counterparts because effi-
ciencies are on par, and the circuit is simpler, less expensive, less
noisy, and faster. Their only, though significant, drawback is power
efficiency, and if that is not an issue or if equivalent to a switching
converter, a linear regulator is best.

Increasing load currents to the point where heat sinks are
required is costly. A heat sink increases overhead by requiring an
additional on-board component and demanding more real estate on
the printed-circuit-board (PCB). A common technique used to cir-
cumvent this drawback is to utilize several linear regulators
throughout the PCB to split the load and minimize the power dis-
sipated by each regulating IC, or by replacing them with a switch-
ing regulator, if performance specification requirements allow, in
other words, if more noise in the regulated output is permissible.
Another detrimental side effect of high temperature is higher metal-
oxide-semiconductor (MOS) switch-on resistances, the results of
which are higher conduction losses and consequently lower effi-
ciency performance. In all, as Table 1.1 summarizes, linear regula-
tors are simpler and faster and produce lower noise levels, but their
relatively limited efficiency performance, however, constrains them
to lower power applications and dedicated supply systems. Switch-
ing regulators, on the other hand, may enjoy more efficiency but the
loads they sustain must tolerate higher noise levels, which is why
power to high-performance analog subsystems is normally chan-
neled by way of linear regulators.

Linear Regulators Switching Regulators

Output range is limited  Output range is flexible

(Vo < V) (Vo S Vor Vo, 2Vv)

v Simple circuit Complex circuit

\ Low noise content High noise content

\ Fast response Slow response

Limited power efficiency S High power efficiency

(M < Vour/ Vi) (n = 80-95%)

Good for low-power applications Good for high-power applications

Check mark “V” denotes positive attributes (i.e., advantages).

TaBLe 1.1 Comparing Linear Regulators to Their Switching Counterparts
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1.3 Market Demand

1.3.1 System

Both linear and switching regulators claim their place in today’s mar-
ket. Systems like desktop and laptop microprocessors not only
demand substantial amounts of clock-synchronized currents but also
low supply voltages. Such systems reap the benefits of power effi-
cient dc-dc converters. Circuit blocks serving purely analog func-
tions, on the other hand, cannot sustain the noisy supplies generated
by switching regulators and therefore exploit the low-noise and cost-
effective advantages of linear regulators. These analog circuits are
inherently more sensitive to noise originated in the supply rails than
digital blocks, which is why they require “cleaner” power supplies.

Today’s growing market demand for portable electronics, like
cellular phones, portable digital assistants (PDAs), MP3 players,
laptops, and the like requires the use and coexistence of both linear
and switching regulators, since both accuracy and power efficiency
are paramount. In these applications, the integrated power manage-
ment circuit drives noise-sensitive circuits from noisy and variable
input-supply voltages. A dc-dc converter, under these conditions,
steps down the input supply to a lower voltage level, generating in
the process a regulated but noisy supply voltage (e.g., v ), as
shown in Fig. 1.2. A linear regulator then draws power from this
noisy supply to generate a low-noise, ripple-rejected output (e.g.,
Ve pan)s Which is now compatible with high-performance, noise-sen-
sitive ICs. The voltage across the linear regulator is therefore low
enough to limit its power losses (e.g., 2.4-1.8 V in the figure). The
purpose of the switching regulator is therefore to down-convert as
much of the input voltage as possible to save power, since it is more
power efficient than the linear regulator. The function of the linear
regulator is to filter the noise and generate the noise-free supply
that the system demands.

Ficure 1.2 VSUPPLY
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Similar operating conditions to those just described arise in many
other mixed-signal applications, where active power supply decoupling
is necessary to reduce and suppress noise. Systems demanding high-
output voltages from low input-supply voltages, as is the case for single-
or dual-battery packs (e.g., 0.9-1.5 V), require the use of boosting dc-dc
converters. As in Fig. 1.2, series regulators may still be required to sup-
press the switching noise generated by the switching regulator.

1.3.2 Integration

The mobile market’s impact on the demands of regulators is pro-
nounced. Because of high variations in battery voltage, virtually all
battery-operated applications require regulators. What is more, most
designs find it necessary to include regulators and other power-
supply circuits in situ, on-chip with the system to save printed-
circuit-board (PCB) real estate and improve performance. This trend
is especially prevalent in products that strive to achieve or approach
the fundamental limits of integration in the form of system-on-chip
(S0C), system-in-package (SiP), and system-on-package (SoP) solutions.
Limited energy and power densities are the by-products of such a
market, requiring circuits to yield high power efficiency and demand
low quiescent-current flow to achieve reasonable lifetime performance.

1.3.3 Operational Life

Current efficiency (n,), which refers to a proportionately lower quies-
cent current when compared against the load current, is also vital. In
particular, quiescent current (I,) must be as low as possible during
zero-to-low loading conditions because it amounts to a significant
portion of the total drain current of the battery. During heavy loading
events, on the other hand, higher quiescent current is acceptable
because its impact on total drain current and therefore battery life is
miniscule, which is why current efficiency, and not absolute quies-
cent current, is important:

I

Loap -

n = ; LOAD (1.3)

+IQ

I

TOTAL LOAD

Ultimately, the load alone determines the lifetime of the battery dur-
ing high load-current conditions and the regulator’s quiescent cur-
rent during zero-to-low loading events.

The capacity of a battery, defined in amp-hours, and the average
drain current sets the battery life of the electronic system:

Life[h] = Capacity[Ah] _ _Capacity[Ah] (1.4)

DRAIN(ave) I5avey T TLoADG@ve)

This relationship, coupled with the fact that the majority of portable
devices idle most of the time, implies that battery life is a strong function
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Ficure 1.3 Probability-density function (PDF) of a typical radio-frequency (RF)
power amplifier (PA) in a portable CDMA handset application.

of low load-current conditions, that is of I ave)’ A cellular phone, for
instance, mostly idles (i.e., alert but not in talk mode) and consequently
requires only a fraction of its peak power most of the time, as depicted
by the probability-density function (PDF) in Fig. 1.3. As shown, the
region of highest probability is the zero-to-moderate load-current
range, which is where drain current is mostly comprised of quiescent-
current flow I ;:

IDRAIN(ave) = -[(ILOAD + IQ)‘PDF“HLOAD = IQ (1.5)

1.3.4 Supply Headroom

Battery power and state-of-the-art process technologies also imply
low-voltage operation. Today’s most popular secondary (i.e.,
rechargeable) battery technologies are lithium ion (Li Ion), nickel cad-
mium (NiCd), and nickel metal hydride (NiMH), the first of which
ranges from 2.7 V when completely discharged to 4.2 V when fully
charged and the latter two from 0.9 to 1.7 V. Microscale fuel cells have
even lower voltages, approximately at 0.4-0.7 V per cell. Ultimately,
the variable nature of these relatively low-voltage technologies super-
imposes stringent requirements on the regulator, limiting their sup-
ply headroom voltage and their available dynamic range to consider-
ably low levels.

Low-voltage operation is also a consequence of advances in pro-
cess technologies. The push for higher packing densities forces tech-
nologies to improve their photolithographic resolution, fabricating
nanometer-scale junctions, which have inherently lower junction
breakdown voltages. A typical 0.18 ym CMOS technology, for
instance, cannot sustain more than roughly 1.8 V. Additionally, since
financial considerations limit the complexity of the process, that is,
the number of masks used to fabricate the chip and therefore the vari-
ety of devices available, only vanilla (standard) CMOS and stripped

9
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BiCMOS process technologies are most desirous, which translates to
less flexibility for the designer.

Alow-voltage environment is restrictive for an analog IC designer.
Many traditional design techniques are prohibitive under these con-
ditions, limiting flexibility and sometimes system performance.
Cascoding devices, emitter and source followers, and Darlington-
configured bipolar-junction transistors costs, for instance, which are
useful for increasing gain, bandwidth, and current-driving capabili-
ties, require additional voltage headroom, which is a precious com-
modity inbattery-operated devices. Low voltages alsoimply increased
precision, pushing performance down to fundamental limits. A 1%
1.8 V regulator, for example, must have a total variation of less than
18 mV, which includes 5-12 mV of load and line regulation effects,
extended commercial temperature extremes (e.g., —40°-125°C), pro-
cess variations, noise and variations in the supply, and so on. What is
more, since dynamic range suffers in a low-voltage setting, the
demand for improved percent accuracy increases to sub-1% levels.
These issues typically give rise to more complex and usually more
expensive ICs (i.e., more silicon real estate and /or more exotic circuit
and/or process technologies), encouraging the designer to be more
resourceful and innovative.

Batteries

It is important to comprehend fully the environment in which many,
if not most, linear regulators find a home. Typical parameters to con-
sider in a battery, from an IC designer’s perspective, are capacity,
cycle life, internal resistance, self-discharge, and physical size and
weight. Cycle life refers to the number of discharge-recharge cycles a
battery will endure before significantly degrading its capacity, that
is, its ability to store energy. There are several types of batteries,
ranging from reusable alkaline and nickel cadmium (NiCd) to lith-
ium ion (Li Ion) and lithium-ion polymers. Unfortunately, however,
in spite of advances in battery technology, there is no one-battery
solution for all possible applications.

1.4.1 Early Batteries

Most portable electronics today use either nickel- or lithium-based
chemistries to power their systems. Reusable alkaline and lead-acid
batteries are not appropriate for high-performance applications
because of cycle-life and integration limits. Alkaline batteries, for
instance, have long shelf lives but suffer from short cycle lives and
low-power densities. They are therefore best suited for a range of
consumer electronics and gadgets that demand reliable operation on
an infrequent basis, like flashlights. Lead-acid batteries are economi-
cal and good for high-power applications, but they are bulky, which
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is why only macroscale applications like the automobile industry
benefit most from their features, unlike the portable, handheld elec-
tronics industry.

Early cellular phones used nickel-based batteries: nickel cadmium
(NiCd) and nickel-metal hydride (NiMH). These nickel-based solu-
tions suffer from a phenomenon known as cyclic memory. To prevent
the negative effects of cyclic memory, which amounts to crystalline
formation and consequently higher self-discharge rates, periodical
discharge-charge cycles are necessary. Figure 1.4z illustrates the typical
discharge curve of these nickel-based devices, showing how most of
the usable energy is in the 1-1.5 V range.

NiCd batteries, which contain toxic metals, are the predecessors
of the NiMH solution, which is more environmentally friendly and
yields slightly higher energy densities and lower memory effects. The
advantages of NiMH, however, come at the cost of other performance
metrics. Figure 1.5, for instance, illustrates how NiCd eventually outper-
forms NiMH in almost every way over its cycle life. Not only is internal

Capacity [%] |_ = = Nicd NiMH|
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rate [%]
30 4 L [ 200
— Y _ _ _ ==
T T T T
0.2 04 0.6 0.8 1

Normalized number of cycles

Ficure 1.5 Comparative performance of NiCd and NiMH batteries.
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resistance lower for NiCd batteries but capacity, internal resistance,
and self-discharge remain relatively constant throughout their full
cycle life, roughly 1500 cycles’ worth. NiMH batteries perform well at
first but quickly degrade within 20% of the NiCd’s full life after a
limited number of charge cycles, giving them roughly half the usable
life of a NiCd battery. NiMH devices, nevertheless, continue to appeal
to the electronics industry because it is environmentally friendly, and
perhaps more importantly, from a marketing perspective, because the
life expectancy of most microelectronic products today is relatively
short, on the order of a year, limiting the number of recharge cycles to
within the range of NiMH technologies. Increased volume sales will
therefore spark innovation and advancements in technology and con-
sequently reduce the cost of NiMH batteries to more competitive lev-
els with respect to NiCd technologies.

1.4.2 Lilon Batteries

Next in the evolutionary chain of rechargeable energy-storage devices
are the lithium-ion (Li-Ion) batteries, which have the highest energy
density levels, when compared to the nickel-based chemistries, and
they do not contain toxic metals or the dreaded memory effects. They
exhibit relatively constant capacity and internal-resistance performance
over most of their entire cycle life, which extends up to approximately
1000 cycles. Their self-discharge rates are miniscule when compared
against nickel-based chemistries. All these advantages come at the cost
of technology, that is, at a higher dollar premium (roughly twice the
cost), which is not to say the price will not decrease in the near future
because it will, as more and more of them are sold, benefiting from
economies of scale. Because of these reasons, most cellular phones, lap-
tops, and other portable consumer electronics use Li Ions.

Ataslightly higher cost, Li-lon polymers offer similar performance,
but with the ability to conform into thinner and smaller packages,
which is especially useful in handheld, wearable, and wireless-sensor
applications. Ultimately, most Li-Ion technologies conform to the dis-
charge curves shown in Fig. 1.4b, where most of its useful energy falls
within the 2.7-4.2 V region. Because of the sensitive nature of the chem-
istry, charging or discharging them beyond maximum- and minimum-
rated limits (4.2-2.7 V, normally) causes irreversible and sometimes
catastrophic effects, which is why the charging circuit for these batter-
ies is often more complex than for other technologies.

1.4.3 Fuel Cells

Li Ions are mainstream, but not ideal. They do not store enough
energy per unit weight or space for moderate-power, microscale sys-
tems, which is why fuel cells (FCs), energy harvesters, and nuclear
batteries are the subject of attention in the world of research. Figure 1.6
illustrates a Ragone plot of various energy-storage devices, depicting
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energy-storage technologies.

their respective energy-to-power relationships. FCs, for instance, like
nuclear batteries and microscale energy harvesters, have higher
energy at low-power levels, whereas Li-lon technology has higher
energy at higher power levels; in other words, given similar volume
constraints, a Li Ion outlives an FC under high-power conditions, and
vice versa. What is more, FCs are inherently slower to respond to
load changes than Li-Ion batteries, and with inherently lower volt-
ages (0.4-0.7 V). Ultimately, none of these technologies are ideal.
Researchers are therefore looking to improve each of these technolo-
gies separately and, at the same time, leveraging their complemen-
tary features in compact hybrid solutions.

1.4.4 Nuclear Batteries

In the battle for maximum energy storage, nuclear batteries over-
whelm the others at lower power levels, except for energy harvesters,
which provide essentially boundless energy. The main drawback is the
radioactive nature of the material used to build it, and its implied safety
and containment requirements. The secondary but equally relevant
disadvantage is its low power. The heat this technology generates,
however, can provide long-term fuel for thermoelectric generators—
for a decade, for instance. Similarly, the electrons emitted by decaying
isotopes can be used to establish electric fields across parallel and

13
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mechanically compliant piezoelectric plates whose attractive force
bends the material and therefore generates current flow on contact.
The emitted electrons can also be used to generate electron-hole pairs
in pn-junction devices, much like photons are used in photovoltaic
solar cells; these devices are called B-voltaic batteries and enjoy the
same chip-integration benefits of solar cells. In the end, however,
safety and the cost of these isotopes prevent the penetration of these
batteries into the marketplace, but research certainly continues, as
their energy content is unequally high.

1.4.5 Harvesters

Last, but certainly not least, in the race for long battery life are energy
harvesters. These electric generators extract fuel energy from the
environment, from motion, heat, and pressure, and so on. These gen-
erators are at the forefront of research and solutions have yet to
mature, but they promise to compete with nuclear batteries in the
race for extended, perhaps even perpetual, life. Microscale harvesters
fabricated with microelectromechanical systems (MEMS) technolo-
gies are compatible with ICs and may therefore see the light of day,
but it is still too early to tell.

Circuit Operation

1.5.1 Categories

Power

There are various types of linear regulators catering to an assort-
ment of different applications. Generally, the most obvious distinc-
tion between them is power level. Low-power regulators, for
instance, normally supply output currents of less than 1 A, which is
typical of many portable and battery-powered electronics, and
high-power regulators source higher currents for automotive,
industrial, and other applications of the ilk. High-power linear reg-
ulators, however, are quickly losing ground to their switching
counterparts because of their power-efficiency performance deficit.
A system will more than likely use a master switching converter
and sprinkle linear regulators at various load points, conforming to
a point-of-load (PoL) regulation strategy. PoL provides better overall
performance in the form of dc and ac (noise content) accuracy at
each individual load. At present, linear regulators find most of
their market in the sub-300-mA region.

Compensation

Within the context of circuit architecture, two other major classifica-
tions exist: externally and internally compensated structures. A capacitor
used to stabilize the negative feedback loop of the regulator (i.e., to
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setting the dominant low-frequency pole) that is connected between
any two of the input/output (I/O) pins of the IC (i.e., input supply,
ground, and regulated output) is said to compensate the circuit exter-
nally. When an internal node is used for connecting a compensation
capacitor, the circuit is said to be internally compensated. In this latter
case, the capacitor hanging off the output cannot exceed a specified
maximum value because the output is a parasitic pole and increasing
its capacitance pulls the pole it sets closer to in-band frequencies, pos-
sibly giving rise to unstable conditions. Output capacitors for exter-
nally compensated circuits, on the other hand, set the dominant low-
frequency pole at the output and must therefore be sufficiently large
(i.e., exceed a specified minimum) to guarantee stable conditions.
Circuit applications normally require an output capacitor to sup-
press transient load excursions. Consider a linear regulator incurs
some finite delay before fully responding to quick load dumps, dur-
ing which time the output capacitor sources or sinks the difference. A
larger-output capacitor therefore droops less and yields better tran-
sient-response performance (i.e., less output voltage variation) in the
presence of load-dump events demanding substantial currents:

ALy o pptdela 1
Avqyr = C Yo C (1.6)

ouT ouT
For instance, in the presence of a 50-ns, 1-11 mA load dump, a regula-
tor with a bandwidth of 100 kHz and a 0.47 pF output capacitor
allows its output voltage to droop approximately 10 mA(3/2r - 100
kHz - 50 ns)/0.47 uF or 101 mV before responding and sourcing the
fullload. Unlike internally compensated regulators, the output capac-
itor’s requirements for an externally compensated circuit align well
with transient-noise suppression, which is why users prefer exter-
nally compensated circuits, in spite of the dollar and printed-circuit-
board (PCB) real-estate costs associated with off-chip capacitors.

The advent of system-on-chip (SoC) and system-in-package (SiP)
integration is slowly changing the trend from externally to internally
compensated schemes, however. As the IC absorbs more circuits and
regulators into its common silicon substrate, external capacitors are
increasingly more difficult to accommodate. Externally compensated
circuits (Where the dominant low-frequency pole is at the output) are
therefore appearing under the guise of internally compensated ICs
simply because the output capacitor, although still hanging off the
output node, is in the IC and no off-chip capacitor is required.
Although advertised as internally compensated structures, for the
sake of the discussions in this text, given their technical implications
on the circuit and feedback loop, linear regulators whose dominant
low-frequency pole is at the output are said to be externally compen-
sated, whether the compensation capacitor is on-chip or not.
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Dropout

Linear regulators are also classified as low or high dropout (LDO or
HDO), which refers to the minimum voltage dropped across the cir-
cuit, in other words, the minimum difference between the unregu-
lated input supply and the regulated output voltage (V,, in Fig. 1.7).
This voltage is important because it represents the minimum power
dissipated by the regulator, since the power lost is dependent on the
product of the load current and this dropout voltage. Low-dropout
(LDO) regulators consequently dissipate less power than their higher
dropout counterparts and have therefore enjoyed increasing popular-
ity in the marketplace, especially in battery-operated environments.
Linear regulators with dropout voltages below 600 mV belong to the
low-dropout class, but typical dropout voltages are between 200 and
300 mV.

Figure 1.7 also illustrates the three regions of operation of a linear
regulator: linear, dropout, and off regions. When the circuit is operating
properly, that is to say, when it regulates the output with some finite
and nonzero loop gain, the regulator is in the linear region. As input
voltage v, decreases, past a certain point, one of the transistors in the
loop enters the triode region (or low-gain mode) during which time
the circuit still regulates the output, albeit at a lower loop gain and
consequently with some gain error. As v, decreases further, the loop
gain continues to fall until it becomes, for all practical purposes, zero,
when it reaches its driving limit. At this point, the regulator enters the
dropout region and the power switch, given its limited drive, oper-
ates like a switch because it supplies all the current it can to maintain
the highest possible output voltage. The voltage difference between
v, and v, . in this region is dropout voltage V,, and although V is
at first approximately constant, as though it were a resistive ohmic
voltage drop, it tends to increase with decreasing values of v, —data-
sheets often quote the equivalent resistance during the mostly linear

VIN
(2) Dropout VIN
region ?
(3) Off I‘ ’, (1) Linear
U region 5 g | VouT
3 .S
R
IVDO ® . VouT ol
Low loop gain

i

No loop gain (max. drive)
<———No headroom

Input voltage - viy[ V]

Fieure 1.7 Typical input-output voltage characteristics of a linear regulator.
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Linear regulators

High power
(Loap > 1 A)

Low power
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compensated
(Polepominant = Inside)

Externally
compensated
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Off-chip cap. On-chip cap. Off-chip cap. On-chip cap.

High dropout (HDO)
(Vbropout > 0.6 V)

Low Dropout (LDO)
(Vbropout < 0.6 V)

Ficure 1.8 Linear regulators and their corresponding subclasses.

portion of the dropout region. The off region is where the circuit
reaches its headroom limit, when the input supply voltage is too low
for the transistors to work properly, and more specifically, for the
negative feedback control loop to process that v, is below its target
and keep some drive applied to the power switch.

In summary, linear regulators can be high or low power, exter-
nally or internally compensated, and high or low dropout, as depicted
in Fig. 1.8. Most linear regulators of interest nowadays fall in the low-
power regime. Because of improved efficiency performance, switch-
ing converters now fill a wider high-power market segment, from
which several low-power subsystems derive power directly or via
series linear regulators. Internally compensated linear regulators
with only on-chip capacitors, though not as popular today, are highly
desirable because of their low PCB real-estate and dollar-cost impli-
cations. They respond poorly to quick load-dump events, however,
and therefore suffer from degraded ac accuracy performance. Their
popularity is growing in lower power application-specific ICs (ASICs),
however, where one or several linear regulators share the silicon die
with their respective loading components.

Convolving the general characteristics just described with the
increasing market demand for portable, battery-powered electronics
birth a niche market for low power, internally compensated, (LDO)
regulators. This consumer market segment demands the small-foot-
print and extended-life solutions internally compensated circuits
with low-dropout voltages enable. Decreasing the voltage dropped
across the regulator (i.e., the difference between the unregulated sup-
ply and the regulated output) reduces the power dissipated by the
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regulator (P, ) and therefore increases efficiency, which ultimately
translates to extended single-charge operational life:

P =1 Vo+I V. > V (1.7)

LDO QUIESCENT °~ IN LOAD ° DO — "LOAD ° DO

Dropout voltage and load current, as seen in the relation above,
define the minimum power a linear regulator can ever dissipate under
moderate-to-full loading conditions. The dropout voltage specifica-
tion is therefore of paramount importance.

From the viewpoint of battery-supplied systems, LDO regulators
relax the headroom limits and increase the dynamic range and signal-
to-noise ratio (SNR) performance of their loading circuits, which are
normally the first to degrade when the input supply voltage decreases.
For instance, if an almost drained Li Ion (i.e., V is roughly 2.7 V)
powers an LDO regulator with a dropout of 0.2 V, which then powers
an operational amplifier whose noise floor is 10 mV, the operational
amplifier would have to operate under a 2.5V regulated supply,
which is, for all practical purposes, already a low supply voltage. All
processing must therefore fall within a 2.5 V window, which qualita-
tively sets the maximum possible dynamic range of the circuit:

dynamic range 2.5V
noise floor =~ 10 mV

SNR = =250 (1.8)

Had the regulator been a high-dropout (HDO) device with a dropout
of 0.7 V, the operational amplifier would have had to work under a
2.0 V regulated supply, which imposes serious restrictions on the
amplifier circuit, not to mention its ability to process analog informa-
tion, now within a 2.0 V window and a signal-to-noise ratio of less
than 200. Additionally, the output voltage, as depicted in Fig. 1.7,
exhibits less variation over the full span of the unregulated supply
range with an LDO circuit than with an HDO regulator, since the
onset of dropout is lower for LDO regulators.

Low-dropout voltages are necessary in many applications, from
automotive and industrial to medical. The automotive industry, for
instance, exploits the low-dropout characteristics of LDO regulators
during cold-crank conditions, when the car-battery voltage is between
5.5 and 6 V and the regulated output must be around 5 V, requiring a
loaded dropout voltage of less than 0.5 V. The increasing demand is
especially apparent, however, in mobile battery-operated products
such as cellular phones, pagers, camera recorders, and laptops. Such
space-efficient designs only use a few battery cells, thereby necessar-
ily decreasing the available input supply voltage. In these cases, LDO
regulators are capable of supplying relatively high output voltages.
For instance, if two NiCd cells, which have an approximate range of
1.8-3 V, power an HDO regulator, the maximum output voltage
over the life span of the battery is less than 1.2 V. This output voltage
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is not sufficiently high to meet the headroom requirements of most
analog circuits. What is more, the restriction is prohibitive for single
battery-cell conditions.

1.5.2 Block-Level Composition

A regulator is mainly comprised of a control loop whose function is
to monitor and control its output to remain within a small window of
a target reference value, irrespective of its environment and its oper-
ating conditions. A regulator circuit must therefore sense the output,
compare it against a reference, and use the difference to modulate the
conductance between the input supply and the regulated output. In
the case of a voltage regulator, a feedback network senses the output,
as shown in Fig. 1.9, and feeds it to an error amplifier, whose function
is to compare it against a reference voltage and generate an error sig-
nal that modulates the conductance of a pass device. The circuit is
essentially a noninverting operational amplifier with a dc reference
voltage at its noninverting input.

There are two major blocks in a voltage regulator: a voltage refer-
ence and the control loop. The latter is comprised of (1) an error
amplifier to sense and generate a correcting signal, (2) a feedback net-
work to sense the output, and (3) a pass device to mediate and con-
duct whatever load current is required from the unregulated input
supply to the regulated output. The control loop, in essence, reacts to
offset and cancel the effects of load current, input voltage, tempera-
ture, and an array of other variations on the output. The reference
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Ficure 1.9 General block-level composition of a linear regulator.
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block provides a stable dc-bias voltage that is impervious to noise,
temperature, and input-supply-voltage variations. The reference’s
current-driving capabilities are for the most part severely limited, as
mentioned earlier in the chapter.

Housekeeping functions are essential to the overall health of the
device. They ensure the system operates safely and reliably, protecting
the regulator from extreme adverse conditions. Plausible destructive
scenarios include exposure to overcurrent, overvoltage, overtemperature,
short-circuit, and electrostatic discharge (ESD) events. Housekeeping
circuits can also have application-specific features like enable-disable
and soft- or slow-start functions for power-moding a system.

1.5.3 Load Environment

Composition

Figure 1.10 illustrates the typical operating environment of a linear
regulator IC. The effective loading elements include the parasitic devices
associated with the package of the IC, filter capacitors, PCB, and loading
circuits. The model presented assumes that the effective load of the
regulator begins at the pin and not at the bond-pad because that is
the regulation point, where the sense-feedback node is connected. If
there is no bond wire allocated to the sense node, the effective load
starts at the bond pad, where both the power device and sense node
converge. In the case the regulation point is at the pin, as in Fig. 1.10,
the parasitic bond wire inductance (L;,) and resistance (R,,) are part
of the regulator, and the feedback loop consequently combats to mitigate
their adverse effects on the output; in other words, the loop regulates
the output against any variations in L,, and R,

Output capacitor C,, suppresses the transiently induced voltage
variations on the output, as mentioned earlier, and for the case of
externally compensated regulators, sets the dominant low-frequency
pole of the controlling negative-feedback loop. The output capaci-
tance is normally on the order of several microfarads, as is for input
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VLOAD
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Ficure 1.10 Typical loading environment of a linear regulator IC.
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filter capacitor C, which is also used to suppress transient noise in
light of the parasitic effects prevalent in practical batteries, such as
finite output resistances and limited response times. Because of lower
cost, tantalum capacitors are normally used. These devices, as all oth-
ers to various degrees, exhibit a parasitic equivalent-series resistance
(ESR) denoted in the figure as R, the value of which can be up to
several ohms.

Ceramic and ceramic multilayer chip (CMC) capacitors have low
ESR values and consequently lend themselves for higher frequency
applications and improved transient-noise suppression, which is
why designers often place them near the load, as bypass capacitors
(C, in Fig. 1.10). These higher cost devices are normally in the nano-
farad region and, in a multiload environment, sum to less than 1 uF.
The inspiration behind placing them at the load is point-of-load (PoL)
performance such that they supply most of the almost instantaneous
load current and ease the drooping effects of the same, supplying the
necessary current at the load. Without these high-frequency capaci-
tors, tantalum output capacitor C_ , would have delivered the cur-
rent through the series parasitic resistors and inductors introduced
by C_, and the PCB (R, and L,,).

Capacitors also exhibit an equivalent-series inductance (ESL), the
magnitude of which is typically less than 5 nH. The effects of this para-
sitic inductance are often negligible in low-power and low-bandwidth
applications. A 10 mA load dump, for example, through a 5 nH induc-
tor in 1ps produces an ESL voltage of 50 uV (LAi/At = 5nH - 10
mA /1 ps). On the other hand, a 100 mA load dump that happens in
50 ns across a 5 nH inductor produces an ESL voltage of 10 mV (5 nH -
100 mA /50 ns), which on a 1 V output constitutes a 1% variation, not
including the effects of load and line regulation, capacitor transient
droop, temperature, and process variations on the output.

In general, all parasitic devices present in the power path of the
regulator cause negative effects on dc, transient, and efficiency per-
formance. Series parasitic bond wire and PCB resistors R, and R,
introduce load-dependent series dc ohmic voltage drops and power
losses, producing a lower-than-anticipated voltage at the load and
higher than expected power losses. Parallel multiple bond wires
appeal to the designer because they produce lower series resistances
and inductances. For similar reasons, loads that are close to the regu-
lator (with short and wide PCB traces) also produce lower voltage
drops and power losses.

ESR”

Point of Load (PolL)

From the perspective of regulation performance, it is best to sense
and regulate the load voltage at the point of load (PoL), not at the
output of the power-pass device of the regulator, which is why a star
connection at the load with a dedicated sense pin yields the best
results. The objective is to decouple the regulation point from the
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parasitic voltage drops in the power-conducting path, allowing the
loop to regulate the load against the reference more accurately. Since
the sense node neither sinks nor sources current, no series voltage
drops exist in its path. This star connection, where current- and non-
current-carrying signal paths belonging to the same node converge at
one single point and nowhere else, is also called a Kelvin connection.
Many applications, however, cannot afford to dedicate a pin for this
purpose and resign themselves to a separate sense pad but with a
common output-sense pin, as shown in Fig. 1.10. If the application
also prohibits the use of multiple bond pads, the sense node is con-
nected to the output at the bond pad, and nowhere else inside the IC,
via a dedicated sense path. The objective, in general, is to push the
sensing and regulation point as close to the load as the application
and technology allow.

The Load

The actual “load” is difficult to model because of its unpredictable
nature—the designer is often unaware of what will ultimately load
the regulator, except in application-specific cases. As it applies to the
regulator, however, dc current [, ,, equivalent load resistance r, .,
and equivalent load capacitance C, ,, , are the most important param-
eters because they set the biasing condition of the regulator and the
small-signal loading impedance of the same, which affects its stabil-
ity conditions. Load current i, ., - spans the maximum range specified
for the regulator (e.g., 1-50 mA) and incurs the worst-case load dumps
for the system during transient conditions, which amounts to the maxi-
mum possible load step in the shortest time possible (e.g., 1- 25 mA in
100 ns).

Not knowing the exact nature of the load makes it impossible to
predict r, ) accurately, yet its impact on stability and circuit require-
ments can be profound. If a low-power operational amplifier whose
lowest impedance path to ground may be a diode-connected transis-
tor (with small-signal resistance 1/g,_) in series with an active load
(with relatively larger small-signal resistance r,_or r ) loads the regu-
lator, the equivalent-load resistance would be on the order of tens to
hundreds of kilo-ohms. High-power amplifiers, on the other hand,
deliver substantial currents to low-impedance outputs, normally sub-
jecting the supply transistor to its triode region (i.e., low-resistance
switch mode) and in series with the low-impedance output. The slew-
ing amplifier therefore establishes a sub-kilo-ohm path from input
supply to ground. In the case of digital circuits, like inverters and
other CMOS gates, both pull-down and push-up transistors simulta-
neously conduct shoot-through current during transitions. Although
these transitions are short, the equivalent resistance from the supply
to ground is the average series combination of two switch-on resis-
tors, both of which are considerably low in value. In the end, r
may span a wide range of resistances.

LOAD
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The designer, for reliability concerns, must therefore consider all
extreme conditions: (1) load is purely resistive (i, ,,, is zeroand r,, , =
Vour/ Loap) and (2) load is only a current sink (r, ,, , is infinitely large
or altogether removed). For example, the worst-case (extreme) , .,
and i ,,, combinations of a 1-50mA 2.5V LDO are (1) 2.5kQ
(25V/1mA) and 0 mA, (2) 50 Q (2.5 V/50 mA) and 0 mA, (3) infi-
nite resistance and 1mA, and (4) infinite resistance and 50 mA,
respectively. Simply assuming the load is purely resistive may be
unrealistically optimistic or pessimistic. In the case of internally com-
pensated LDOs, for instance, whose output pole is parasitic to the
system, a purely resistive load places the output pole at optimistically
higher frequencies. Subjecting this LDO to a higher impedance load
pulls the output pole to lower frequencies, compromising the stabil-
ity of the system. Similarly, assuming the load is purely active, that is,
only a current sink, may be unrealistically optimistic in the case of
externally compensated LDOs, where the dominant low-frequency
pole is at the output and a high-impedance load optimistically places
this pole at lower frequencies. A lower impedance load pushes the
output pole to higher frequencies, closer to the parasitic poles of the
system, where stability may be compromised.

Equivalent load capacitance C,,,, is often negligible when com-
pared against bypass and output capacitors C, and C_,. This is espe-
cially true for standard commercial-off-the-shelf (COTS) LDO ICs
and moderate power LDOs because their output capacitors are neces-
sarily large. System-on-chip (SoC) applications, however, do not
always enjoy this luxury because C;; is on-chip and therefore con-
siderably smaller than their off-chip counterparts. Some SoC imple-
mentations, in fact, rely entirely on C , for stability and transient
response, altogether eliminating the need for C_ ,—this is equivalent
tousing C, ,,,as C . Aswithr .., C, .., inan SoC environment can
play a pivotal role in establishing the stability conditions of the sys-
tem, which is why the designer must consider all possible values.
However, in the presence of a substantially larger C ;. and C, combi-
nation, C,,,, is less important.

1.5.4 Steady-State and Transient Response

Simplified Model

Before subjecting a transient load-dump event the model presented in
Fig. 1.10, it is helpful and convenient, for the sake of design and insight,
to simplify the schematic to those components whose effects domi-
nate the dc, frequency, and transient response of the system. For one,
load and bypass capacitors C, ,, , and C, are in parallel and can there-
fore conform to a single equivalent bypass capacitance, as denoted by
C,’ in the now simplified model of Fig. 1.11—given the typical larger
values of C, relative to C,,,,, C, normally simplifies to C,. Because
the current flowing through the sense path is negligibly small, the
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Ficure 1.11 Simplified operating environment of a linear regulator IC.

voltage drops associated with its relevant series parasitic bondwire
resistance and inductance are practically zero, which is why these
components no longer form part of the model. Similarly, when com-
pared with load current i, , LDO’s ground current, which is nor-
mally just the quiescent current of the regulator, is small; as a result,
the adverse effects of i, ,,, on the load overwhelm those of this cur-
rent so its parasitic devices are also removed from the simplified
model. Lastly, the series-parasitic elements in the supply and ground-
return paths of the load in the PCB have an aggregate effect on load

voltage v, relative to regulated output V . —neglecting the effects
of the load’s small-signal output resistance 7, ., .:
10ap = Urec ~oap(Recs_suppry T Rpcp anp)
_ diLOAD ( L +L ) 1.9
dt PCB_SUPPLY " “PCB_GND (1.9)

and can therefore conform and simplify to a single set of lumped
elements,

(% v

7 di ’
REG ILOAD PCB _( LdotADjLPCB (1'10)

LOAD —
where R}, and L, are the lumped total supply and ground-return
PCB path series parasitic resistance and inductance of the load, as
shown in Fig. 1.11.

DC Variations

Steady-state changes in load current I, , as noted in the previous
equation, decrease dc load voltage V|,  below its targeted regulated
value V... Had the sense node been connected to the output at the
bond pad, the effect would have been increased, adding R, to the
existing R, .,”. Conversely, dedicating a pin to the sense node and con-

necting it to the load at the load (i.e., Pol) would have eliminated the
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adverse effects of both R, and R},. When the circuit enters the
dropout region, however, the voltages across these parasitic devices
effectively increase the dropout voltage of the LDO, again, degrading
its overall performance, irrespective of where the sense node is

connected.

Transient Variations

In a worst-case transient load-dump event, the load current ramps up
or down to its extreme values in a short time. Considering a positive
load dump, for instance, when load current rises quickly, the LDO is
at first unable to supply the load because it needs time to react and
adjust (i.e., it has limited bandwidth). Filter capacitors C,,, C,, and
C,oap therefore supply this initial jump in current, most of which is
derived from C ;. because it presents a considerably lower imped-
ance path than C, and C ,, (C,, is larger than C, and C ,  com-
bined and impedance (1/sC,;) + Ry is therefore smaller than 1/
sC,). The net effect is an instantaneous voltage drop across L, ., (V, =
L,y -di | .p/dt) that lasts as long as 7, ,, , is changing, another instan-
taneous voltage drop across R, and R, (Ai ., - (R.g, + R};)) and a
voltage-droop response across C,;, the latter two of which last until
the LDO responds and supplies the full load (A7, ./BW - C_ ). All
of these parasitic effects amount to an undesired transient voltage
drop in load voltage v, ,, . Eventually, the IC supplies the full load
and again reaches steady-state operation, at which point C,,, C,, and
C,oap Cease to conduct displacement current and all these parasitic
voltages disappear. For negative load dumps, similar effects occur

and v, , temporarily rises above its ideal targeted value.

Specifications
Three categories aptly describe the operating performance of a linear
regulator: (1) dc- and ac-regulating (accuracy) performance, (2) power
characteristics, and (3) operating requirements. The regulating per-
formance refers to the IC’s ability to regulate its output against varia-
tions in its operating environment. The metrics used to gauge this
performance include load regulation, line regulation, power-supply
rejection, temperature drift, transient load-dump variations, and
dropout voltage. All these parameters essentially portray the behav-
ior of the circuit with respect to load current, input voltage, and junc-
tion temperature. Quiescent-current flow, sleep-mode current, power
efficiency, and current efficiency as well as dropout voltage, indi-
rectly, depict the power characteristics of the regulator. Sleep-mode
current is the current flowing through the IC while disabled, if an
enable-disable function exists, or during low-performance mode (i.e.,
low-bandwidth setting). Current efficiency refers to the ratio of load
to input current, which is especially important during low load-current
conditions (i.e., device is idling and output current is consequently low).
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The operating limits of the input voltage, output voltage, output
capacitance (and associated ESR), and load current define the envi-
ronment within which the regulator must operate functionally and
within parametric compliance.

1.6.1 Regulating Performance

Load Regulation

Steady-state (dc) voltage variations in the output (AV ) resulting from
dc changes in load current (Al ,, ) define load regulation (LDR) perfor-
mance, which ultimately constitutes an ohmic voltage drop, that is, a

linearly load-dependent voltage drop at the output of the regulator:

AV, R
R — OouT =R +R — OL
LDR O-REG T *PAR
AL orp 1+ AOLﬂFB|DC
Ricp = _Ro R] 1.11
+ Rpep = A B | + Rpcp (1.11)
OL/FB|pc

where R, . is the load-regulation resistance, R ., the closed-loop out-

put resistance of the regulated loop, R, the open-loop output resis-
tance from the sense node into the IC, A, the open-loop gain,  , the
negative feedback-gain factor, and loop gain A B, is evaluated at dc
because load regulation is a steady-state parameter (all frequency com-
ponents are neglected). Obviously, increasing A, and decreasing PCB
resistance R, improves load-regulation performance. Systematic
input-offset voltages, which result from asymmetric currents and volt-
ages in the feedback error amplifier, further degrade load-regulation
performance. Even if the LDO were symmetric, its widely variable
load would cause considerable voltage swings at internal nodes, sub-
jecting some of the devices to asymmetric conditions. Because the
open-loop gain is relatively low (the reason for this is described in a
later chapter), there is a systematic load-dependent input-referred offset
voltage (V ), which should be included in LDR:

SﬁS)

, AVis s |[ Ve
RLDREFF = Roxrec + Rpcp + [ A ILOA_D Viz:

’ AV s
=R pec + Rpep + Al == |Acp (1.12)
LOAD

where RLDREFF is the effective LDR, AV . the systematic variation of

V. s with respect to a dc change in load current Al and V_ ./V

0S_S LOAD’ ouT REF

and A, the dc closed-loop gain from reference V. to output V

(e.g., 2.4V LDO referenced with a 1.2 V bandgap has a closed-loop
gain of roughly 2: 2.4 V/1.2 V).
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Line Regulation
Line regulation (LNR) performance, like load regulation, is also a dc
parameter and it refers to output voltage variations arising from dc
changes in the input supply, in other words, to the low-frequency sup-
ply gain of the circuit (i.e., LNR is A, which refers to Av,./Av).
Power-supply rejection PSR (also known as ripple rejection), on the other
hand, is not only the complement of supply gain A, in that it refers to
rejection, but it also includes the entire frequency spectrum, not just dc.
Datasheets, as a result, typically quote ripple-rejection values at dc
and other specific frequencies (e.g., 50 dB at dc, 40 dB at 1 kHz, etc.).
Power-supply variations affect the regulator in two ways: directly
through its own supply and indirectly via supply-induced variations
in reference v,.. The reference, as it turns out, is a sensitive node because
the regulator, being that it presents a noninverting feedback amplifier
to v (refer to Fig. 1.9 to visualize how v, and Uour relate), amplifies
variations in v, by the regulator’s closed-loop gain (A, ). The overall

supply gain A, is therefore a function of both the supply gain of the

regulator A ... and the supply gain of the reference A ...:
Av
~ 2Y%ur _
IN = Arec T Anrer Acy
Avyy
Av Av
ouT REF
( Avyy ] +( Avpy ACL] (113)
REF=O A’UIN.REG=0
where superposition is applied and A .. is evaluated when there is
no variation in the reference and A when there is no variation in

IN.REF
the input supply of the regulator. Because PSR is A s complement,

PSR reduces to

‘ -

1

IN.REG

PSR = =PSR

REG

S

A

IN
and LNR, since it only applies to the dc portion of supply gain A, is

1 1
™0 = PSR, ~ PSR oy (1.14)

LNR=A,] = A
REGO

Normally, v.,..’s supply rejection PSR, is considerably higher than
PSR 50 v,'s effects are often insignificant and therefore neglected,
but justifying this assumption is critical.

Temperature Drift

In more generalized terms, any variation in the reference propagates
to the output of the regulator through the equivalent closed-loop gain
of the regulator. As such, any temperature effects on the reference, as
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in the case of ripple-rejection analysis with supply-derived noise, also
have adverse effects on the regulated output. These effects are in
addition to the temperature effects of the regulator, which manifest
themselves through temperature dependence in the input-referred
offset voltage. The metric that gauges the extent of the impact of tem-
perature on the output is fractional temperature coefficient (TC), which
is the percentage variation of the output in response to temperature
changes per degree of temperature change:

%
(AU + AT )[ OUT]
TC = 1 (dDOUTj _ 1 (ADOUTJ _ REF 0 Vier

Vour\ dT ) Vo \ AT VourAT
_ [ Avggp t AU | 1 (1.15)
Vier AT

where Av_ . and Av are the temperature-induced variations of refer-
ence voltage v,.. and input-referred offset voltage v, and AT the cor-
responding change in temperature. Consequently, accuracy in the
reference and input-offset voltage in the error amplifier are key char-
acteristics for determining the overall temperature-drift performance

of the regulator.

Transient Variations
Noise content (ac accuracy) is another important metric in linear regula-
tors. The principal cause of noise is typically systematic in nature,
either from a switching load or a switching supply. In the case of a
switching load, the output impedance of the regulator, which is com-
prised of the output capacitance C;; and C, and load-regulation out-
put impedance r, ., (ac counterpart of R, . ...) determines the extent
to which the noise is suppressed. Similarly, ripple rejection limits the
noise injected from the input supply. Given the mixed-signal nature
of modern systems today, even with reasonable output impedances
and ripple-rejection capabilities, both switching supplies and switch-
ing loads inject substantial noise into the system. Inherent shot, ther-
mal, and 1/f noise are normally not as important and often neglected
in specifications as a result. This is not to say, however, systematic
switching noise always overwhelms inherent noise, especially when
considering extremely sensitive and high-performance applications.
Transiently induced voltage variations also contribute to the
overall ac accuracy of the regulator. The worst-case variation occurs
when the load current suddenly transitions from its lowest rated
value (e.g., zero) to its maximum peak, or vice versa, which comprise
the positive and negative load-dump conditions graphically illustrated
in Fig. 1.12. The response is normally asymmetrical in nature because
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Fieure 1.12 Typical transient response to positive and negative load dumps
(i.e., sudden load-current changes).

the error amplifier’s ability to charge and discharge the input of the
pass device is also asymmetrical. To be more specific the output stage
of the error amplifier is a buffer whose purpose is to drive the input
of the pass device, which is highly capacitive, given its large physical
dimensions. For simplicity, the buffer normally conforms to class-A
operation, which is capable of pushing or pulling substantial current,
but not both. As a result, the buffer typically slews into the highly
capacitive node in one direction and not the other, giving rise to dif-
ferent response times and therefore asymmetrical effects on the regu-
lated output. A symmetrical response is possible with class-B and
class-AB buffers but they usually require more silicon real estate,
complexity, and noise, which amount to higher cost.

In the case of a positive load dump, when current suddenly rises,
the additional load current (A7, ) discharges the output filter capac-
itors until enough time elapses to allow the loop (i.e., the regulator) to
respond (in At ). The internal slew-rate conditions of the feedback
loop (i.e., when class-A buffer slews) normally govern the extent of
response time Af,, which exceeds the corresponding bandwidth time
(1/BW_,). After the circuit has time to react, the pass device responds
by supplying load current i j, , and additional current to charge and
slew the output filter capacitors back to their targeted regulated volt-
age. The regulated output voltage ultimately settles to the voltage
corresponding to the new load-current value, which is the ideal volt-
age minus the load-regulation effect of the loop (AV|.). When a
negative load dump occurs (i.e., current falls quickly), the extra cur-
rent the pass device initially sources, which cannot decrease until the

29
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regulator has time to react, charges the output filter capacitors. When
enough time elapses to allow the loop to respond (At, = 1/BW_,), the
regulator stops sourcing current and allows whatever sinking capa-
bilities it has (i.e., feedback network) to discharge and slew the out-
put capacitor back to its targeted output voltage.

The resulting variation of the regulated output in response to
these load dumps degrades the overall regulating performance of the
regulator and amounts to transient accuracy. As noted in Fig. 1.12, the
regulator ultimately experiences load-regulation effects (AV, . =

Al (R, prerp) Which, for technical accuracy, should be distincthnd
decoupled from the total effects transient-response accuracy has on
the output (Av,,). Load-regulation voltage drop AV, . is therefore
subtracted from total load-dump-induced variations Av_, . and Av_ .

During a positive load dump, when load current suddenly
increases, referring to the effective load model shown in Fig. 1.11, out-
put capacitor C_, and total bypass capacitor C,” supply additional
load current A, .. Since C,; is normally more than an order of
magnitude higher than C,’ (impedance 1/sC_,; is much smaller than
1/sC,’), most of Aioap flows through Cour and ESR resistor Riors the

result of which is an instantaneous voltage across R, equivalent to

C

Avpgp = [ﬁinLOADRESR (1.16)

and a droop voltage across C_, and C,". The aggregate effect on the
output, considering this condition persists until the regulator reacts
(i.e., At, after the onset of the load dump), is

Al
LOAD
AV, = [—COUT " ngAt‘1 + AUpg

Ai
~ (CL—O;‘%,J(A& +Cour Regg) (1.17)

ouT B

The bypass capacitors have a filtering effect on this total variation,
decreasing its magnitude when more low-ESR capacitance is present.
As already mentioned, the slewing conditions of the class-A buf-
fer against the parasitic capacitance presented by the large series pass
device (C,,.) set response time At,. Before the onset of these slew-rate
conditions, however, the loop must have sufficient time to react and
initiate the slew command, producing in the process a bandwidth-
limited delay that is proportional to the reciprocal of the closed-loop
bandwidth (BW,) of the regulator (approximately 0.37/BW . —refer
to App. A). After this, the biasing current of the buffer (I ,.) slews

BUF
parasitic capacitor C,,, (producing Av,, ) until enough drive exists

PAR (
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across the power pass device to fully supply load current i Total

response time At, therefore approximates to

LOAD*

_ 037 Avpp | 0.37 Al oap
At = BW,, +CPAR( i = BW,_, +Coar g 1 (1.18)

BUF mp' BUF

where ¢ is the transconductance of the power pass device. If slew-
rate current [ . is sufficiently high, response time At, reduces to 0.37/
BW_,. This response-time improvement and independence to C,,,
result at the expense of quiescent-current flow, that is to say, reduced
power efficiency and battery life.

During a negative load dump, when load current suddenly drops,
the regulator continues to source initial load current I, ,, pushing the
difference (A7, ,,,) into output filter capacitors C,; and C;. As a result,
similar to a positive load dump, R, incurs an instantaneous voltage
across its terminals and output filter capacitors C;; and C; slew until
the regulator responds, at which point the pass device shuts off and
allows the output to drop to its steady-state value. Assuming the class-
A buffer slews for positive load dumps and not negative load dumps,
only the closed-loop bandwidth of the loop sets the corresponding
negative load-dump response time to approximately 0.37/BW_,

giving rise to a full negative load-dump variation (Av,, ) of

[ _Aioap [ Aipap 0.37
Avpp_ = (COUT +C Aty +Avpgp = Cour +Cp )| BW,, +Cour Resr

OouT
(1.19)

To decouple load regulation from transient-accuracy performance,

LDR voltage AV, . is subtracted from positive and negative transient

variations Av_, and Av_, . Transient accuracy therefore summarizes to

AiLOAD 0.37
+|| +C R — A R
[(Com +C, \BWg OUTEsR ) 8lioap BLDRe

Av = .
TR _( Al oap j 0.37 . AiLoap feo R A R
Cour T CL/; BW, rax gmpIBUF out e HOAD T LDR s

(1.20)
which is often simplified to
A VTR(max) ~Max (A Vires AVTR—)
Ai;5ap 0.37 Al 5ap
~| ——LOAD _ +C - +C, .+ R
(COUT +C, BW,_, PAR S sl oUT ESR
- AiLOAD RLDREFF (121)
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Macro3 - Typical LDO Transient Response
Simulation results-stimulus = Full range load-current step

1.56 r 60E -3
1.54 1 Vi 0B
-40E-3 <
E 1.52 1 - 30E -3 :E
Cb=1pF - 10E-3 5

1.48 1 ESR=10Q Load-current 00E 4.0

1.46 — T T T T T T 7171711117171 -10E-3

OE+0 1E-4 2E-4 3E-4 4E-4 SE-4 6E-4 T7E-4 8E-4
Time [s]

Ficure 1.13 Simulated transient-response performance of an LDO under load-
dump conditions.

where the slew-rate-limited buffer response is worse. Figure 1.13 shows
the simulation results of a 1.53-V LDO under positive and negative
50 mA load dumps and in the presence of a 4.7 uF electrolytic capacitor
with 1 Q of ESR in combination with an equivalent bypass capacitance
of 1 pF at the output. The LDO is comprised of an ideal voltage refer-
ence and an amplifier macromodel driving a 50 mm/2 pm PMOS
power transistor (Mpo). The results show the output suffers an LDR
voltage drop of 20 mV (Av, ) and a worst-case transient voltage drop
of 55 mV (Av,, ), translating to a transient accuracy of 2.3% (or 35
mV/1.53 V) and load-regulation accuracy of 1.3% (or 20 mV /1.53 V).

As the example shows, transient accuracy is a significant portion
of the overall performance of the regulator, which is why a 3-8% mar-
gin is often allocated to this phenomenon. Using high-frequency
capacitors, which have low ESRs and cost more money, considerably
reduces this variation. Increasing the response time of the regulator
has similar benefits, but at the expense of more quiescent current.
Increasing the rise and fall times of the load dumps, in other words,
relaxing them to the point of exceeding the response time of the loop
practically negates all adverse transient effects, and this is how many
data books specify it, when rise and fall times are on the order of
microseconds. However, in state-of-the-art applications, the load is
often synchronized to digital-signal-processing (DSP) and micropro-
cessor (1P) clocks with frequencies ranging from several megahertz
to gigahertz, subjecting the regulator to substantially quick load
dumps (in the nanosecond region), which is where transient accuracy
is worse. It is therefore important to determine and design for a prac-
tical and realistic load; fully understanding the load allows the
designer to better trade accuracy performance for silicon real estate
and power efficiency.
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Example 1.1 Determine the load-regulation and transient accuracy of a 100 mA
1.5V regulator with 500 kHz bandwidth and 300 mQ equivalent load-regulation
resistance when subjected to 0-100 mA load dumps. Assume the output filter is
comprised of a 10 uF capacitor with an ESR of 0.2 Q and an equivalent bypass
capacitance of 1 pF. The parasitic input capacitance of the power pass device is
roughly 100 pF and its transconductance 300 mA /V, and it is driven by a class-A
buffer with a constant pull-down current of 5 uA.

AV pr = Al oap Ry, =100 mA 300 mQ = 30 mV
AV, 30 mV
LDR Accuracy = —LDR - 2L 2.0%
Vour 15V
AV ~( Al oap j 0.37 +C Aioap +C. R AV
TR ~ . PAR OUT “ESR |~ ©VLDR
Cour +Cp J{ BWeL Emp Tyur
100mA | 0.37-2m 100mA
+100pF—————+10uF-0.2Q |- 30mV= 91mV
10pF + 1pF | 500kHz m
300——-5pA
Vv
, Avpe  91mV
Transient Accuracy =——=——"—=6.1%
V, 15V

Gain Error
The effects of dc and transient loads, line (supply voltage), and
temperature variations on the regulated output amount to dc and
ac accuracy. Gain error G, in the feedback loop, however, which is
worse for lower loop gains, also has a negative impact on accuracy
performance:

A, —A A 1 -1
G, ~— CLI:( & ——jB =——— (122
: ACL?I 1 + AOL BFB BFB FB 1 + AOL BFB ( )

where A, is the closed-loop forward gain from the reference to the
output, B, the feedback-gain factor, and A , and 1/B,; the ideal
closed-loop gain (equal to one if v, is meant to be regulated to V).
Given a gain error from V ger 10 U the resulting systematic variation
in the output (AVc;) simplifies to the product of reference V. and
gain error G, and always results in an output voltage that is below its

target (note the negative sign in the G, relationship)

AVe, = Vegr G (1.23)

3
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Overall Accuracy

Ultimately, accuracy refers to the total output voltage variation, which
includes both systematic (Avsystemaﬁc) and random (Av", . ) compo-
nents. Systematic offsets are consistent, monotonic, and considering
their effects are often in the millivolt region, mostly linear. The com-
bined impact of several systematic offsets on the output is therefore
the linear sum of their individual effects. For instance, if a 1-50 mA
increase in load current pulls v, 20 mV below its target undera 5 V
supply and a 5-3 V decrease in supply pulls v, 5 mV when loaded
with 1 mA, their combined impact on v, is approximately a 25 mV
drop, assuming a linear relationship. Systematic offsets have a polar-
ity and will sometimes cancel one another, depending on the circuit
and its application. Random offsets, on the other hand, are neither
consistent nor monotonic, and their effects must consequently be
treated under probabilistic terms, where the combined effects of sev-
eral components is the root-square sum of its constituent factors:

N
Avf{andom = ZAUIZ (124)
1

where N denotes the total number of random effects on the output. In
the end, the total variation of the output exhibits combined system-
atic and random components and its accuracy ultimately conforms to
similar terms:

«
Z AZ]Systemaﬁc + AZ]Random
V.

OouT

Accuracy = (1.25)

Load, line, transient, temperature, and gain effects are all system-
atic, monotonic, and for the most part, linear, whereas threshold,
transconductance parameter, and reverse-saturation mismatch off-
sets and process-induced variations in the reference are all random
and probabilistic. The total accuracy performance of a voltage regula-
tor is consequently

V. REF GE

1%
AV, o AV (g + AV + AV + A [—OUT] +V
REF

Accuracy = %

ouT

2 2
\% 1%
[A’U*REF [ﬁ]} + (Z’z)s ( V?Ej: D + (VREF GZ)Z
(1.26)

1%

ouT

+
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where AV, orr AV wr AV, AU, and Av,. are systematic output voltage
variations resulting from load regulation, line regulation, transient
load dumps, temperature drift, and systematic variations in reference
Uperr Vour/ Ve the ideal closed-loop gain; and Av ", 7", and G," the
random process-induced variations in v, error amplifier’s input-
referred offset, and gain variations, respectively. Adhering strictly to
a linear summation of all terms, systematic and random, produces
the absolute worst-case performance for all devices at all times, which
is unrealistically pessimistic. A strict probabilistic sum (i.e., root sum
of squares), on the other hand, is unrealistically optimistic because
the consistent and repeatable nature of the systematic components is
underestimated.

In practice, transient load-dump effects dominate accuracy, but
like other effects, though for different reasons, overall accuracy spec-
ifications often exclude them. The fact is these effects depend on how
fast the load can possibly rise or fall (di,,,,/dt); in other words, they
depend strongly on the application. Line- and load-regulation effects
in v, are also excluded, but unlike their transient counterpart, their
impact on v, when compared to other factors, is minimal. Package-
stress effects and other process-induced random variations on v, are
normally so severe that temperature-drift performance is often diffi-
cult to discern, which is why all systematic variations in the reference
(Av,,.) are often altogether absorbed by Av, . * Gain error G, and
process-induced variations in G, are similarly neglected because their
impact is relatively low. The random effects of offset voltage v ;" and
reference voltage variation Av, " are often combined into one random-
variation parameter (Av,. ") because they are characterized together—
measuring v.,;* alone is not as useful and requires more work. Ultimately,

accuracy tends to simplify to

2
V.
AVipg + AV \g AV £ [A’U*REF.OS VOUTJ
Accuracy = v = (1.27)
ouT

Quoted accuracies for linear regulators typically fall in the 1-3%
range, and that excludes transient performance, which can take
another 1-7%, depending on the loading profile presented by the
application at hand.

Example 1.2 Determine the total accuracy performance of the 2.4 V regulator
shown in Fig. 1.14. Assume its forward open-loop gain is 60 dB and output
voltage variations with their corresponding three-sigma variations due to
temperature, load-current, input-supply, full-range transient load-current
changes are 3 + 30 mV, 20 £ 5mV, 8 + 2.5 mV, and 140 + 5 mV, respectively.
Note the temperature coefficient of the device, which is 3 + 30 mV divided
by the product of 2.4 V and 125°C, is not consistent across process because
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Ficure 1.14 VIN
Three-terminal 2.4-
V linear regulator.

random effects overwhelm systematic effects. This is typical in plastic-
packaged, temperature-compensated voltage references, which tend to suffer
from pronounced random-induced offset variations. This randomness results
because the fillers in the package used to increase its reliability have random
shapes and therefore exert random pressure across the die, resulting in random
piezoelectric effects in the reference.

Vrer  Prs R
24V
Reference Vipp = — = 1.2V
, 1 -1
And gain error G = = =-0.002
L+ Ao B, 1000
2

Transient variation Av_, is the total output variation in response to a transient
load dump minus its load-regulation contribution AV .:

A, =140 mV - 20 mV =120 mV

And  £5mV=JAvL2 + AV,

2 =\/AU;R2 +(5mV)?

Av ' is negligible

And since the regulation performance of the entire circuit was quoted, with

Vg @8 part of the system, all systematic and random variations in the reference
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(Avyg. and Av,.*) are already included in load- and line-regulation effects Av,

REF REF
and Ao, .; in other words, for all practical purposes, Av,,. = 0 and Av,,.* = 0.

*2
)y AVSystematic 2 AVRandom
Accuracy =
VOUT
_ AV pr T AV NR T AR + AV + Ve G
VOUT

. JAVZ + AV + AV

LDR LNR
V.

ouT

20mV+8mV+120mV+3mV+1.2V-2m
- 2.4V

. \/(30 mV) + (5 mV)’ + (2.5 mV)’
B 2.4V

=64% +1.3% <7.7%
Or, if transient accuracy is excluded,
Accuracy = 1.4% = 1.3% < 2.7%.

The regulator is consequently said to have an accuracy performance of 2.7%.

1.6.2 Power Characteristics

The basic functions of a voltage regulator are to condition power and
transfer energy from a source to an electronic load. Accuracy, as a met-
ric for regulation performance, gauges the power-conditioning capa-
bilities of a regulator whereas efficiency relays information about
energy and its ability to transfer it. Ideally, a regulator transfers only
the energy the load demands from the source to the load, but in prac-
tice, energy is always lost in the process of conditioning power, which
is why efficiency, defined as the ratio of delivered energy E ., to
stored energy E .- gauges what fraction of the source energy actu-
ally reaches the load. Since energy is simply power P over the span of
time t (i.e, E = | P - t), assuming power remains constant throughout
time, energQy efficiency and power efficiency (n) amount to the same:

n= Eioap _ Ploap 't _ Ploap =ILOADVOUT (1.28)
ESOURCE PSOURCE't PSOURCE IINVIN '
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where V  and I are the steady-state input supply voltage and its
associated current. Efficiency is an extremely important parameter in
the world of portable electronics because it determines operational
life, given its source is either charge- and/or fuel-constrained, as in
the case of battery-powered devices.

In transferring energy, a regulator loses power across its power-
conducing series device and through its control loop. The power dis-
sipated by the series pass switch is the product of the voltage across
it (i.e., input-voltage difference V, - V) and its current (I, ). Sim-
ilarly, the power dissipated by the regulating loop is the product of
the quiescent current (I,) the loop requires to function and the volt-
age across its rails (i.e, P, = V| I,). As a result, efficiency expands
and simplifies to

Voor 1

n= OUT “LOAD
Vour Troap +Vin = Vour)ioap +Vin o
_ Vour lioap - Vour M, (1.29)
VinUroap +1o) Vin
where 1, is current efficiency, which is the ratio of I, to total input
current I (or I, +1 Q):
Lioap Loap
n= = (1.30)
ULy Loapt Io

A system designer therefore assigns as low a supply voltage a regula-
tor can handle (i.e., low V) while meeting its regulation objectives.
The IC designer must design, as a result, a circuit that not only sustains
the lowest possible voltage across its power pass device (without push-
ing it into dropout to continue enjoying the benefits of regulation) but
also achieves the highest possible current efficiency (i.e., lowest I,
during light loading conditions).

Dropout voltage is often the limiting factor in efficiency perfor-
mance. From a specification standpoint, the minimum voltage sus-
tained across the pass device when the circuit ceases to regulate is the
dropout voltage. The loop, during this condition, drives the pass
device to source maximum current to the output, but has no ac gain
to offer and therefore no regulation capabilities. However, if V is
low and the regulator biased slightly above its dropout region, that is,
Vour is slightly greater than V|, -V, optimum efficiency perfor-

ouT . N I DO’
mance is achieved:

n= UOUTnI < (‘/IN _VDO)T]I < (1_ VDOJ (131)

N Vin IN
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Since the loop is “railed out” and the power pass device is maxi-
mally driven during dropout conditions, V', is an ohmic drop, which

means V,,and equivalent switch-on resistance R, describe the same
effect and are linked by I, ., , as
Vo = Iioap Rox (1.32)

The total switch-on resistance is comprised of all series resistors from
the regulation node (i.e., sense point) to input supply voltage V,
which normally amounts to the on-resistance of the intrinsic power
device (R, ,) and the series parasitic resistances associated with the
input and output bond wires (R,,) and any metallization (R

used to link them,

BW) METAL)

Ron = Ry + RON_I +Ryprar (1.33)

Reasonable dropout voltages for portable applications are on the
order of 200-300 mV.

Example 1.3 Determine the worst- and best-case full- and zero-load efficiency
performance of a 0-100 mA 1.2 V linear regulator with an extrinsic on-resistance
of 500 mQ and quiescent dc current of 10 pA. The regulator draws its power from
a 0.9-1.6 V NiCd battery.
Worst-case full-load (i.e., I

Loap 18 at its maximum value) efficiency occurs
when V| is at its maximum:

= Vour ILoap_max B 1.2-100 m 12 759,
VIN maxULoap max * IQ) 1.6-(100m+10u) 1.6

Best-case full-load efficiency occurs when I, ,  is at its maximum point and

the device is operated slightly above its dropout region:

Voo =lioap_wax Rox =100 m 500 m = 50 mV

n= VOUTILOADfMAX - VOUTILOAD_MAX
VIN(ILOADfMAX + IQ) (VOUT +Vp )'(ILOADfMAX + IQ)
1.2-100 m 1.2

- =—==96%
(1.2+50m)-(100m+10p) 1.25

Since the output power is zero during zero-load current conditions, efficiency
is also zero, irrespective of other operating conditions:

V I 0
OUT 'LOAD_MIN _ _ — 0%

+1 w1

T‘ =

Vin (ILOAD_MIN Q)
which is why quiescent current alone is an important parameter in portable
devices, since load current often falls to zero or low-current levels.
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1.6.3 Operating Environment

Input Supply

The operating range of input voltage V, output voltage V., output
capacitor C,, capacitor ESR R, and load current I, describes the
working limits of the regulator. While the application determines the
minimum acceptable range, the circuit sets the outer boundaries. For
instance, while a Li Ion normally spans the range of 2.74.2 V, the
breakdown voltages of the process technology used to build the cir-
cuit sets the upper boundary to, say, 6 V and the minimum headroom
requirements of the circuit, the lower limit, to maybe 2.2 V. As a result,
choosing the process in which to build the circuit is one of the first
design tasks, and its primary goal is normally for the breakdown
voltages to exceed the maximum supply-voltage limit of the applica-
tion. After that, for optimum speed and efficiency, one process may
be picked over the others because of its cost and the components it
offers. The designer is then tasked to design the circuit such that its
headroom limits are low enough to sustain the application.

If a switching converter supplies power to the linear regulator,
the system designer sets the optimal dc target value for V. In this
case, the specified V| represents a combination of several factors, the
most important two of which are the headroom limits of the linear
regulator and its voltage drop (V, — V,;), which is important for
efficiency. The headroom limits of the load and the overall regulator
efficiency similarly set output voltage V. Another difference in
converter-supplied applications is the need for start-up control. The
switching converter requires time to ramp up and the overall system
must stay in control and within safety limits (e.g., power switches
kept within their rated power limits) throughout the start-up period.
To remain in control, however, certain functions must operate prop-
erly during start-up, before the supplies reach their parametric tar-
gets, which is why low-headroom circuits (i.e., circuits that tolerate
low V values) are appealing in power-management applications.

Compensation

Stability is another parameter to consider and, along with transient
accuracy, sets the acceptable range for output capacitance C,. and
resistance Rg,. If the dominant low-frequency pole is at the output,
Cour Must exceed a certain value to guarantee stability. Similarly,
given load-dump demands, C_,, must exceed a minimum target to
prevent the output from drooping below or above its specified accu-
racy limits. If the dominant low-frequency pole is inside the circuit,
on the other hand, C;, must stay below a maximum value to ensure
the frequency location of the output pole is not pulled low enough to
compromise stability conditions. Transient-response and supply-ripple
rejection requirements demand low ESR values. Stability, on the other
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hand, may benefit or suffer from the presence of an ESR, which is
why a range is often specified, not just a lower or an upper boundary
limit.

Load Current

Although the application normally sets the load-current range, the
circuit, as in the case of V|, imposes outer limits. First, the current-
voltage-temperature power-rating limits, otherwise known as the
safe-operating area (SOA), of the series pass device set “hard” upper-
boundary limits. Additionally, a wide load range also implies the ac
operating conditions of the regulator change considerably, making
it difficult to guarantee stability. The output resistance of the series
pass device, for instance, which has a significant impact on fre-
quency response when not in dropout, is strongly dependent on
I oo Twenty to thirty years ago, applications only demanded
maybe two to three decades of change in load current (e.g., 1 mA to
1 A) because wall outlets, which offer virtually boundless energy
when compared to batteries, supplied them. In today’s portable
market, however, battery-drain current, in an effort to maximize
lifetime, cannot remain relatively high indefinitely and must there-
fore conform to power-moded schemes where the load may be com-
pletely (or almost completely) shut off. In such cases, load current
may span eight to nine decades, if not more, and have a consider-
able impact on stability and consequently on load-current range.
System and IC designers must challenge and fully justify the load-
current range a system demands before unnecessarily designing for
impossible conditions.

Simulations

1.7.1 Functionality

The role of simulations in state-of-the-art designs is increasingly
important. Their general objectives are to (1) verify functionality
and (2) ascertain parametric-compliance limits. As in programming,
however, they are as good as their inputs: "garbage in, garbage out."
Designers should therefore simulate only when they think they
know what to expect so that they may properly evaluate the simula-
tion. If the results do not conform to expectations, there is either a
problem with the simulation itself or the circuit, so the first thing to
do is ensure the operating conditions, models, and so on of the sim-
ulation are correct, and if so, a reevaluation of the circuit (without
the computer) is in order. This process is iterated until the results
match expectations, at which point the designer is in a better posi-
tion to make important design choices and performance tradeoffs.
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1.7.2 Parametric Limits

The second important objective of simulations is to ascertain the
parametric limits of the circuit when subjected to extreme process-
corner variations and operating conditions, oftentimes referred as
process-voltage-temperature (PVT) corners, even though extreme
load current, output capacitance, and other operating conditions are
also considered. These simulations ascertain systematic and process-
wide variations of all performance parameters by repeating each cir-
cuit test and successively changing models and operating conditions
to include all possible combinations. For instance, weak NMOS,
strong PMOS, and nominal NPN transistors, along with high resistor
and capacitor values, may constitute one model set of many similar
and distinct model combinations. Similarly, high temperature, low
input voltage, low output capacitance, high ESR, and so on also com-
prise a condition set to which the circuit will be exposed while per-
forming worst-case corner simulations.

Process engineers often guarantee parameters that perform better
than what they claim because their intent is to increase die yield (i.e.,
profits for the company), which means process-corner simulations is,
on probabilistic terms, pessimistic: an exhaustive linear combination
of six-sigma variables is unrealistic. The caveat, however, from a
designer’s perspective, is that an analog circuit has an infinite num-
ber of operating conditions (e.g., start-up conditions subject a circuit
to an infinite number of bias points—large-signal behavior—and
therefore an infinite set of ac conditions) and it is impossible to simu-
late them all, one at a time. This is why a linear sum of six-sigma
process variations, in combination with good engineering judgment,
is believed to mitigate the risk associated with analog IC design and
help justify the cost of fabrication. Fast product-development cycles
also rely on these extreme corner scenarios to increase the chances
of building a sufficiently robust prototype to meet all parametric
limits after only one fabrication cycle, achieving the coveted first-pass
success.

Summary

The purpose of a regulator is to regulate the output voltage against all
possible operating conditions, from load and supply to temperature
variations. They differ from references only in that they supply load
current, but this seemingly insignificant fact adds considerable com-
plexity and challenges to the problem. However, linear regulators,
when compared with switching regulators, are simpler, faster, and
less noisy, but they suffer from limited power efficiency, which is why
low dropout voltages are so appealing in linear regulators for porta-
ble, battery-powered applications where single-charge battery life is
crucial. Consequently, among other categories, like power level and
frequency-compensation strategy, dropout voltage is an important
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metric in linear regulators. In the end, however, irrespective of class,
all regulators must ultimately conform to the accuracy, power, and
operating conditions a given application demands, defining in the
process, among others, the load-regulation, line-regulation, tempera-
ture-drift, and ripple-rejection performance requirements of the regu-
lator. In designing for these performance objectives under all possible
conditions, simulations are extremely useful, but only when the
designer knows (or thinks he or she knows) what to expect, as simula-
tions are as misleading as their programming variables. To be able to
anticipate circuit response, the designer must therefore understand
the basics of analog circuit design, especially as it pertains to linear
regulators, which is the focus of the next few chapters.

43



System Considerations



2.1

Source: Analog IC Design with Low-Dropout Regulators

CHAPTER 2

Microelectronic
Devices

ow that Chap. 1 sets the context and performance objectives

for linear regulators, it is important to describe the foundation

on which an analog IC designer relies to build a circuit. The
purpose is to present, review, and highlight those aspects of analog IC
design that are critical in designing linear regulators and other analog
and mixed-signal systems. The next couple of chapters therefore focus
on the basic building blocks used to build analog circuits, from devices,
current mirrors, single-transistor amplifiers, and differential pairs to
voltage and current references and feedback circuits, each of which
plays a critical role in a linear regulator, as in most other analog circuits.
Ultimately, their combined large- and small-signal response deter-
mines the extent to which a system is able to achieve its overall perfor-
mance objectives, which is why understanding their individual effects
first is critical. Subsequent chapters will then use and combine these
basic analog building blocks to design and analyze the operating limits
of linear regulator circuits.

Passives

2.1.1 Resistors

The most basic, yet most powerful device an IC designer uses is a
resistor. Although not frequently thought this way, it is most often
used as a short-circuit link to conduct an electrical signal from one
circuit to another. In fact, any material used to connect two points, be
it aluminum, polysilicon, or doped silicon, introduces resistance to
the flow of charge carriers, demanding power and energy. These links
often affect circuit performance by introducing parasitic ohmic volt-
ages (v,) and power losses (P,):

=i R (2.1)

R R
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and

P, =i v, (2.2)

where i, is the current flowing through the device and R its resis-
tance. Every node in a circuit will therefore introduce resistance, demand
power, and use energy, which is why design engineers use metal or
heavily doped polysilicon materials for this purpose, to ensure their
resistances are negligibly small (e.g., milliohms) when compared to
the resistances of the devices connected to them (e.g., kilohms to
megohms).

In a more traditional sense, however, resistors convert currents
into voltages, and when used for this purpose, resistance is no longer
parasitic but by design. Generally, referring to Fig. 2.1, increasing the
length (L) of a strip of material lengthens the charge carriers’ path
and therefore increases the total resistance of the device. Decreasing
the area (A) through which charge carriers are channeled (outlined by
width W and thickness T in the profile view of Fig. 2.1) has the same
increasing effect on resistance R:

pL _ pL
R="Z=wr 23)
where p is the resistivity of the material. Similarly, as temperature
increases and atoms vibrate and electrons accelerate, collisions
and therefore resistances increase, which is why most resistors have
a positive temperature coefficient (i.e., resistance increases with
temperature).

Since the material used to build a resistor intentionally (e.g., unsili-
cided polysilicon, lightly doped silicon, etc.) normally differs from that
used to short-circuit the resistor to another device (e.g., silicided poly-
silicon, aluminum, etc.), the ends of the resistor strip include low-
resistance interface contact areas (Fig. 2.1). Here, the effective width is
increased and length decreased, relative to the resistor strip, to decrease

Metal Top view Profile view
contact Contact
_ area _ﬁ W}‘-
1 e, |
w : ‘g III - = -
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| I } } } } } } | ]
®------- A - - - - - - - ®

Ficure 2.1 Resistor strip.
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the overall resistance of the region and accommodate a metallic con-
tact, resulting in the classical “doggy bone” structure outlined in the
figure. A process engineer optimally defines the thickness of the mate-
rial by, for instance, adjusting the deposition rate of polysilicon or the
annealing time of diffusing dopant atoms, neither of which are under
the control of an IC designer. Consequently, an IC designer normally
specifies the top-view length L and width W of a resistor, not its thick-
ness T, which is why IC designers think of sheet resistance R, not resis-
tivity, when referring to the intrinsic resistance of a material,

R. =P (2.4)

Sheet resistance is convenient because it represents the resistance of
one square (W equals L) of material, irrespective of its resulting area,
which is why its symbol also takes the form of R . For example, refer-
ring to Fig. 2.1, the total resistance, when neglecting the resistance of
the contact areas, is approximately the resistance of seven squares in
series, that is, 7 R

R = NR (2.5)

where N is the total number of squares in a strip of material.

2.1.2 Capacitors

The intrinsic advantage of integrated-circuit technologies is their
ability to build numerous electronic devices (e.g., resistors) on a com-
mon, relatively low-impedance silicon substrate (e.g., p-doped sili-
con). For electrical isolation, a dielectric medium is inserted or cre-
ated between these devices and their common substrate, the latter of
which is connected to a low-impedance supply for the purpose of
reverse-biasing all junctions in the IC. The end result, as it pertains to
the resistor or link, is a parallel-plate capacitor between the entire
device and substrate, as shown in Fig. 2.2. Its total capacitance

L

Resistor

Dielectric

Substrate

Ficure 2.2 Capacitor to substrate.

Y|



43

Microelectronic Devices

Chapter Two

increases with increasing surface area (i.e., increasing W and increas-
ing L) and decreasing plate-separation distance d:

cz(_WéL)s:(—Wd'L)ksa —W-L-C” (2.6)

where C is the capacitance per unit area and € the permittivity of the
dielectric medium, which is dielectric constant k times greater than
permittivity of vacuum ¢ .

As with the resistor, the process engineer, not the IC designer,
optimally sets the separation distance, leaving again width W and
length L as flexible design parameters. In the case of diffusion resis-
tors, however, the dielectric is the depletion layer created by reverse
biasing the resistor-substrate’s pn junction, the separation of which
is dependent on the bias voltage across the junction, as discussed
later in the pn-junction diode subsection. Ultimately, in the context
of resistors and short-circuit links, these capacitors are parasitic and
their effects are unwelcome. On the other hand, replacing the high-
resistance material with a more conductive medium like aluminum,
silicided polysilicon, or highly doped silicon (e.g., n+ doped silicon);
increasing the surface area; and conforming the device into one or
only a few squares reduce the resistive component of the device and
enhance its capacitive effects, in the end building what amounts to a
monolithic capacitor.

From a circuit perspective, the impedance across the capacitor (z )
decreases with decreasing plate-separation distance d, increasing per-
mittivity (i.e., higher capacitance), and increasing frequency, and is
considered infinitely high at dc,

du. dt 1
=-=—= — = — 2-7
T, T CTsC @7

where dt represents time and s in Laplace transforms is the equivalent
of frequency. Consequently, the higher frequency components of a
propagating signal will have a tendency to shunt through the capaci-
tor, losing some of its energy in the process. These effects are parasitic
and unavoidable in a resistor. Similarly, the ohmic voltage drops and
power losses associated with the resistive component of a capacitor
are parasitic effects.

2.1.3 Layout

A good resistor is one whose resistance is easy to define and capaci-
tance to substrate negligibly small. The resistance of the contact areas,
whose value is relatively more difficult to predict, should also be neg-
ligibly small, that is, large and no more than one square’s worth in
length. The dielectric used (e.g., silicon dioxide) should be thick with



Microelectronic Devices

Microelectronic Devices

Corner: Half a square Dummy resistor strip d*
v Metal i)
o-@ ¥ i AN
| R, d*
. Contact m 5
! area — <
R ©\ ,'| Common ~X _D
Metal i center of mass 2 v
| contact Q" i d$
| S '@
- - , . e y
Dummy resistor strip L)
(@) (b)
Ficure 2.3 (a) High-value serpentine and (b) matched resistors (i.e., R, = 2R,).

a relatively high dielectric constant (e.g., field oxide). As such, a long,
thin strip of high-resistivity material (e.g., 500 squares of 1 kQ /O of
sheet resistance) over a thick dielectric constitutes a high-value resis-
tor (e.g., 500 kQ) with minimal parasitic capacitance. Such a high-
value resistor is normally snaked into a serpentine, as shown in Fig.
2.3a, to contain its entire length within workable modular areas. Each
corner of the serpentine, since charge-carriers traverse across the least
resistive portions of the square, introduce approximately half a square
worth of resistance.

The tolerance of a resistor mostly depends on the resistivity of the
device (e.g., doping concentration) and normally exhibits a +20%
variation across process variations. Because of this relatively poor tol-
erance, IC designers rely on the matching performance of similarly
built devices, the resistivities of which track better across an entire
silicon die. Matching performance, since resistivities track, depends
on the uniformity of the resistor widths across their entire lengths.
Wider resistors (e.g., 3-5 times the minimum width allowed) nor-
mally match better (e.g., +1%) because their respective width varia-
tions (e.g., 100 nm) constitute a smaller fraction of their total widths
(e.g., 10 pum).

In the case of polysilicon resistors, the width variation depends
on the uniformity of the etching rate across its length, which, as it
turns out, depends on what is next to it. As such, designers normally
ensure equidistant, adjacent resistor strips of the same material sur-
round all resistor strips, as shown in Fig. 2.3b, where the outer resistor
strips are thin dummy devices just for the sake of minimizing etching
errors. However, it is impossible to present an equidistant dummy
resistor strip to the inner side of a corner, unless its separating dis-
tance d is sufficiently large, in which case it would be impossible to
present a dummy resistor strip to the extreme ends of the inner side.
As a result, corners are normally avoided and metallic connections
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are used to link resistor segments, as shown in Fig. 2.3b, unless silicon
real-estate demands supersede matching performance concerns.

As a side note, to improve the matching performance of two resis-
tors (e.g., R, and R,), their constituent resistor segments can be inter-
digitated, as also shown in Fig. 2.3D, so as to average the effects of
process-induced gradients across the die (e.g., doping concentration)
on the resistors. If possible, for similar reasons, the resistors should
also have a common center of mass and conform to a common-centroid
configuration, as also illustrated in the figure. Finally, increasing the
number of resistor segments and inter-digitating them increases the
statistical granularity and resolution of the layout, further improving
matching performance.

As with the resistor, a good capacitor is relatively easy to define
with a resistive component that is negligibly small. Surface areas
should therefore be large enough to ensure the resistances across the
plates are low and the orthogonal parallel-plate capacitance domi-
nates over fringing edge effects. The width of the dielectric material
should be relatively shallow (e.g., thin silicon dioxide or thin oxide
for short) and its dielectric constant high. As such, the surface areas of
capacitors are normally high and conform to square-like shapes, as
shown in Fig. 2.2. Their tolerance depends on the homogeneity of the
dielectric constant from wafer to wafer and lot to lot, which is nor-
mally on the order of +20%. As with resistors, designers prefer to rely
on their matching performance, if possible, in other words, on the
uniformity of edge variations (and consequential area variations)
with respect to the overall areas. Consequently, large-area capacitors
and, because of proximity etching errors, capacitors with equidistant
dummy peripheral strips match better, as illustrated in Fig. 2.4.
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Ficure 2.4 Matched capacitors (i.e., C, = C,).



2.2

Energy

Microelectronic Devices

Microelectronic Devices

As stated earlier, capacitance depends on the overlapping surface
area between the top and bottom plates of a parallel-plate capacitor so
etching errors on the top plate, as the plate that defines surface area A,
are more important than errors on the bottom plate. To that end, ensur-
ing proximity effects remain uniform across a matching capacitor array
amounts to adding dummy top-plate strips to the surrounding periph-
ery. Using dummy capacitors in place of dummy strips is better, how-
ever, as shown in Fig. 2.4, because the vertical placement of a plain
poly-2 strip does not necessarily correspond with the top plate of a
poly-poly capacitor. To be more explicit, field oxide separates a plain
strip of poly-2 material from substrate whereas thin oxide separates the
poly-2 plate from its poly-1 counterpart and field oxide separates the
latter from substrate. These dummy devices may remain open-circuited
but connecting them to low-impedance nodes is often preferred to shunt
incoming noise away from the matching capacitor array.

PN-Junction Diodes

2.2.1 Large-Signal Operation

Intrinsic Device

The most appealing aspect of a pn-junction diode, although not
always necessarily used for this purpose, is its unidirectional current-
conducting feature (i.e., current only flows in one direction). The
device is built by stacking two oppositely doped (i.e., p and n) pieces
of silicon, as shown in Fig. 2.54. Since the concentration gradients of
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Ficure 2.5 (a) Physical-profile view and (b) energy-band diagram of a pnjunction diode.
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free electrons and holes (i.e., holes are counterparts to electron and
therefore equivalent to “electron voids”) across the junction are rela-
tively high, electrons and holes diffuse from high- to low-concentration
regions, that is, electrons migrate from n to p and holes from p to n
regions. These migrating charge carriers leave their otherwise neutral
home sites ionized (i.e., n region becomes positively charged and p
negatively charged) and create in the process a depletion region (i.e.,
area depleted or void of charge carriers) in their respective home sites
and an electric field whose induced current opposes that of diffusion.
As a result, since the device is in equilibrium (i.e., there is no net cur-
rent flow), diffusion and drift currents are equal and opposite.

The energy-band diagram shown in Fig. 2.5b is useful in describ-
ing the operation of the device because it conveys important informa-
tion about its physical properties and electrical state. To start, the top
line denotes the onset of the conduction band E , the energy level above
which electrons are free to roam as charge carriers, and the bottom line
the onset of the valence band E, , the energy level below which elec-
trons are strongly bound to the atom. Just as electrons above E_ are
charge carriers, holes below E , given their complementary features,
are also charge carriers.

The energy separation between the two bands is constant for a
given material and commonly referred to as the band gap (E,.). Fermi
level E,, which lies between E_ and E , is an abstract variable repre-
senting the energy level where a 50% probability of finding a charge
carrier exists—this probability decreases exponentially for increasing
and decreasing energy levels. This is not to say, however, a charge
carrier exists at or around E,, because none can reside in the band
gap, only outside the bands. This does mean, however, the presence
of charge carriers above E_ or below E, decreases exponentially at
energy levels that lie further away from E,. Consequently, if E, is
closer to E_, the probability of finding an electron charge carrier above
E_is greater than finding a hole below E,, and it decreases exponen-
tially at higher energy levels, as graphically illustrated in Fig. 2.5b.
Similarly, a p-type material has E, closer to E, and its hole charge-car-
rier concentration peaks just below E  and decreases exponentially at
lower energy levels.

At equilibrium, E, is flat across the pn junction and there is no net
current flow through the diode. The conduction and valence bands
through the mostly p- and n-type materials (shaded regions in the
figure—bulk material) are therefore flat. However, as the material is
depleted of charge carriers near the metallurgical junction, it effectively
becomes less doped and E, is consequently closer to midway across
the band gap, behaving more like an intrinsic (i.e., undoped) semicon-
ductor, the result of which is the band bending shown in Fig. 2.5b.
The bending represents the potential energy barrier a charge carrier
must overcome to diffuse across the junction, which is often times
described in terms of barrier potential V.

Barrier®
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Applying a voltage across the diode shifts its barrier potential and
forces it out of equilibrium. A positive voltage v, on the p side, for
instance, as shown in Fig. 2.64, reduces the barrier and therefore exposes
an exponentially increasing number of carriers over the barrier thresh-
old, allowing them to diffuse to the oppositely doped side and in the
process induce current flow (i, e exp v,)). With a reverse voltage v,, on
the other hand, as shown in Fig. 2.6b, the barrier increases, impeding
diffusion and therefore current flow. The end result is a device that
conducts, as shown in Fig. 2.6¢, (1) an exponentially increasing current
i, into the p side (anode) of a pn junction with an increasing forward-bias
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Ficure 2.6 Energy-band diagrams of a pn-junction diode during (a) forward-
and (b) reverse-bias conditions and (c) the resulting current-voltage (I-V) curve.
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voltage v, (2) zero current with zero voltage, and (3) little to no current
with a reverse-bias voltage (v, is below 0 V):

. v,
ip =1 |:exp[7J - 1:| (2.8)

where I is the reverse-saturation current constant for the material
and V, the thermal voltage, the former of which is on the order of
femto-amps (107"°) and the latter approximately 25.6 mV at room
temperature. As a side note, high temperatures aid the diffusion
process (via diffusion coefficient and mobility) and therefore induce
higher current levels (i.e., I, increases), which is equivalent to saying,
for a given current density, diode voltage v,, decreases with increasing
temperatures—the diode is “stronger” at higher temperatures and v,
has a negative temperature coefficient.

If a sufficiently large reverse voltage exists across the junction, the
device breaks down and conducts current in the normally off direction
(i.e., i, reverses direction, see Fig. 2.6c). Under these conditions, past
breakdown voltage V, one or a combination of two breakdown mecha-
nisms results that induces current flow. In a highly doped pn junction,
for instance, where the region near the metallurgical junction is rela-
tively difficult to deplete of carriers because of sheer abundance, the
depletion width is narrow and the resulting electric field across it high,
inducing electrons to tunnel through and across the region, as illus-
trated in Fig. 2.7. In lightly doped junctions, the depletion width is
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Ficure 2.7 PN-junction diode in its breakdown region.
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longer and therefore impede the tunneling effect but increasing reverse-
bias voltage v, further can increase the electric field to the point where
free electrons energize and accelerate into otherwise bounded electron-
hole pairs in the valence band with sufficient energy to break them
apart through a process called impact ionization. The number of free
charge carriers consequently increase (Fig. 2.7), inducing current flow.
Since one free electron frees another (and a hole), the process multiplies
the number of free carriers in the system in avalanche fashion, which
translates to increasing current flow.

Most moderately doped pn-junction diodes exhibit a combina-
tion of both tunneling and avalanche effects with breakdown volt-
ages of 6-8 V. Higher doped devices, which have narrower depletion
widths, have lower breakdown voltages and yield more tunneling
than avalanche current, and vice versa. Irrespective of the mecha-
nism, however, diodes optimized for this region of operation are
known as zener diodes and their respective zener voltages equate
to their breakdown voltages (V,,’s). As a side note, subjecting a diode
to extreme and sustained high-voltage conditions in either reverse
(V,>> V) or forward (V, >> 0.6-0.7 V) bias induces so much cur-
rent the material and the package in which it is housed strain beyond
their power and thermal limits, exposing it beyond its safe-operating
area (SOA) and irreversibly damaging it.

Upon further scrutiny, as in the case of a parallel-plate capacitor,
the bulk p- and n-type materials of a reverse-bias pn-junction diode
comprise two conductive parallel plates separated by a dielectric
medium (i.e., depletion region). The depletion capacitance (C],v clpl) that
results, as in parallel-plate capacitors, increases with increasing cross-
sectional areas (A’s) and decreasing depletion widths. Highly doped
regions and lower reverse-bias voltages v,’s (or higher forward-bias
voltages v,,'s) produce shorter depletion widths because dense regions
are more difficult to deplete of carriers and lower v,’s attract less carri-
ers away from the metallurgical junction to the bulk material

ACj’(’,
Cj.dpl =T (2.9)
1- p
V.

BI

where V, is the built-in barrier potential (roughly 0.6 V) and C the
zero-bias (i.e., v, is zero) capacitance per unit area, which is a process
and junction-dependent parameter—C; depends on the doping
densities of both materials, but more so on the less doped side because
it normally dominates the overall width. Note the peripheral side-
wall of the device contributes additional (and similar) capacitance.
Even in forward-bias conditions, small as it may be, the depletion
region remains and depletion capacitance C. _ continues to increase.
However, since voltage-dependent charge carriers now diffuse across
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the junction in a finite forward-transit time 7, (that is process depen-
dent), diffusion component C, . increases the overall capacitance of
the junction by

_Aq _(dip _
Caier = A_UD = (Ejdt =& (2.10)

where g, is the effective conductance of the diode (i.e., first derivative
of diode current i, with respect to its voltage v,) and total junction
capacitance C, is

C.=C

1= Ciai +C

i @.11)

Since the conductance of the pn-junction diode is considerably high
with forward-bias voltages, the diffusion component normally over-
whelms depletion capacitance C,, , in forward-bias conditions, and
vice versa. Ultimately, however, irrespective of the region of opera-
tion, junction capacitance C, exists across intrinsic diode D, as depicted
in the complete large-signal model shown in Fig. 2.8a.

Extrinsic Device

Maneuvering technology to build a diode necessarily introduces par-
asitic junctions and components to the intrinsic device. To start, the
diode is a series combination of oppositely doped silicon pieces each
of which introduces series parasitic resistances (R, and R, in Fig. 2.8a).
More importantly, however, all devices in an integrated circuit (IC)
share a common p- or n-type substrate, isolation from which is nor-
mally achieved by reverse biasing all substrate pn junctions, resulting
in parasitic depletion capacitances C,, and C;, in p- and n-type sub-
strates, respectively. For instance, diffusing p-type material into an
already diffused n-type well to build an intrinsic pn-junction diode
(Fig. 2.8b) inherently exposes the n cathode to the p-substrate. The cur-
rent of the resulting extrinsic pn-junction diode must be negligibly
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Ficure 2.8 Complete (a) large-signal model, (b) physical profile view, and (c) small-
signal model of a pnjunction diode.
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small for proper intrinsic diode operation, which is why p-type sub-
strates are connected to negative supply rails and n-type to positive
supplies.

2.2.2 Small-Signal Response

AC diode voltage and current signals v, and i, refer to small enough
variations in diode voltage v, and current i, to constitute only a con-
siderably small fraction of their dc biasing counterparts V, and I,
Given the low-magnitude nature of an ac voltage, a linear approxi-
mation of the exponential diode-current relation (i.e., slope or first
derivative at biasing point I -V in Fig. 2.6c) correlates reasonably
well with the actual exponential response. As a result, ac current i,
with the linearized model discussed, is linearly proportional to ac
diode voltage v :

. di I v
i :Ud(ﬁj:Ud[VSeXPVDJsz(VD]EUdgd Er_: (2.12)
t t

where g, is the effective ac conductance and r, the equivalent ac
resistance of the diode. The small-signal response of a diode can
therefore be described by a single resistor whose resistance is the
ratio of thermal voltage V, and dc biasing current I (i.e., 1/g,). As
with large signals, the bulk resistances associated with the p- and
n-type silicon strips introduce additional parasitic resistances R,
and R, to the device, as included in the complete small-signal model
shown in Fig. 2.8c. Normally, the effects of the extrinsic components
(e, R, R, C, and C,) are negligibly small and therefore neglected
for first-order analysis and design, but not for simulations and
worst-case corner analysis.

2.2.3 Layout

As with resistors and capacitors, proximity, orientation, common-
centroid, inter-digitaion, and cross-coupling techniques improve
the matching performance of diodes. Unlike polysilicon resistors
and capacitors, however, they do not suffer from etching errors, as
they are diffused devices. Consequently, adding dummy devices
(or diffusion strips) around the periphery of an array of diodes may
not improve matching performance to the same extent dummy
polysilicon strips around polysilicon devices do. However, out dif-
fusion is affected by the doping concentration around its surround-
ing regions and adding dummy, equidistant diffusion strips there-
fore improves the uniformity of the out-diffused areas and the
parasitic components attached to them. Figure 2.9 illustrates the
top layout views of readily available pn-junction diodes in CMOS
and bipolar or biCMOS technologies: p+-source-drain (p+-S/D)
n-well and n+-emitter p-base diodes.

|
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Ficure 2.9 Top layout views of (a) CMOS p+-source-drain (p+-S/D) n-well and
(b) bipolar or biCMOS n+-emitter p-base pn-junction diodes.

2.3 Bipolar-Junction Transistors

2.3.1 Large-Signal Operation

Intrinsic Device

A bipolar-junction transistor (BJT) comprises two back-to-back diodes,
as inferred from the energy-band diagram shown in Fig. 2.10, with a
short common middle region called the base. The base derives its
name from the first physical implementation of the device, because it
served as the physical base of the prototyped transistor. As in diodes,

Metallurgical junctions

N
n+ %p n—

i Diffusion W,
—\"—>"'B

. W
Emitter Diffusion @< Base

Collector

Ficure 2.10 Energy-band diagram of an NPN BJT in the forward-active region.
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charge carriers diffuse across the base-emitter junction when forward
biased (i.e., v, > v,). Unlike diodes, however, because the base width
(W)) is relatively short when compared to the average diffusion
length, the electric field across the reverse-biased base-collector junc-
tion (i.e., v. > v,) sweeps the minority charge carriers across the base
to the collector before they have a chance to recombine in the base. As
a result, as graphically shown in Fig. 2.10, most of the emitted elec-
trons from the n+ emitter region are collected by the n-type terminal as
collector current i.. The holes that diffuse from the base to the emitter
as a result of the forward-biased base-emitter junction produce a base
current i,, yielding a total emitter current that is equal to the aggre-
gate sum of currents i and i,.

Ideally, as the name implies, the transistor is a resistor with a con-
ductance-modulating third terminal, the base. The input current into
the base should therefore be low and the collector-base current ratio
high, which is why the emitter is normally more doped (e.g., n+ or
p+) than the base (e.g., p or n). Less doping in the collector (e.g., n— or
p-) discourages reverse-active currents and increases the base-collec-
tor breakdown voltage, allowing the device to sustain higher collec-
tor-emitter voltages. Since the current flowing through the collector is
the diffused minority charge-carrier current into the base, it is expo-
nential with respect to forward-bias base-emitter voltage v, as
shown in the I-V curves of Fig. 2.11b. Because the base-collector deple-
tion region increases with increasing reverse-bias collector-base volt-
age v, base width W, decreases with increasing collector-emitter
voltage v, and decreasing the base width decreases the number of
recombined minority carriers in the base and therefore slightly
increases collector current i :

i = (15 exp%](l + Z{’/ﬂj (2.13)

t
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Fiure 2.11 (a) Symbol and (b) |-V curves of an NPN BJT.
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where V, refers to the base-width modulation effect, which is otherwise
known as Early voltage. The collector-base current ratio is the current
gain (B) of the device,

ic = Bi (2.14)

Note the arrow corresponds to the optimized emitter and points in
the direction of current flow across the base-emitter junction.

The BJT has four regions of operation. From an analog perspective,
the most appealing mode is the one just described, when forward bias-
ing the base-emitter junction and reverse biasing the base-collector
junction, because it yields the highest current- and voltage-gain charac-
teristics. Process design engineers therefore optimize these devices to
operate in this specific region, in the forward-active mode. Inversing the
biasing conditions of the emitter and collector produces similar current-
flow dynamics as in forward active but with less attractive results. As
in forward active, forward biasing the base-collector junction induces
carrier diffusion from collector to base and reverse biasing the base-
emitter junction sweeps the diffused minority carriers into the emitter.
Unlike forward active, however, the magnitude of the currents and
their associated gain are lower because the collector has fewer free
charge carriers when compared to the emitter; in other words, it has
lower doping concentration.

Forward biasing the base-collector junction while also forward
biasing the base-emitter junction induces base-collector current flow,
decreasing (and saturating) the effective current gain of the BJT when
compared to the forward-active gain. In practice, however, slightly for-
ward biasing the base-collector junction (i.e., slightly saturating the tran-
sistor) by, for example, 0-0.3 V induces negligible additional base cur-
rent and therefore retains the high current-gain characteristics of the
forward-active region. Reverse biasing both junctions, however, results
in negligible current flow in all terminals and places the device in its off
mode. It is important to note, as in the diode, that higher temperatures
aid the diffusion process (i.e., increases reverse-saturation current I, by
increasing minority-carrier diffusion coefficient and mobility), allow-
ing lower base-emitter voltages to induce higher collector currents.

Extrinsic Device

The intrinsic transistor is literally the two back-to-back pn junctions
combined, not the diffusions and contacts used to connect the device
(Fig. 2.12). The series resistances associated with the ohmic contacts
of each terminal and their respective parasitic pn junctions comprise
the extrinsic portion of the BJT. As such, series base resistance R,,
emitter resistance R, and collector resistance R are present in both
large- and small-signal models. Similarly, the reverse-biased collector-
substrate pn-junction diode and its equivalent capacitance (C,) are
also present (Fig. 2.13a).
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Ficure 2.12 Physical profile view of typical (a) vertical NPNs in standard bipolar
and biCMOS and (b) lateral PNPs in standard CMOS process technologies.
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©
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Ficure 2.13 Large-signal models of (a) vertical NPN and (b) n-well lateral PNP
transistors.

The n-well lateral PNP also has two parasitic bipolar PNP transis-
tors sharing the same base as the lateral device and having a substrate
tied to ground through the substrate (Figs. 2.12b and 2.13b). Since the
emitter is at a higher potential, its respective parasitic transistor is
more problematic, decreasing the overall current efficiency of the lat-
eral device. Adding an n+ buried layer to the n-well, if available,
increases recombination and therefore decreases the gain of these
parasitic devices.

The buried layer shown in the standard bipolar or biCMOS verti-
cal NPN in Fig. 2.12a decreases the parasitic series resistance associ-
ated with the collector. Without this layer, since the intrinsic collector
is deep within the substrate and relatively far away from its extrinsic
surface contact, the device enters the saturation region at a relatively
higher extrinsic collector-emitter voltage v, because v..'s intrinsic
counterpart is lower by an R -ohmic drop (v = v — i.R.). Emitter
resistance R is normally low because it is close to its extrinsic contact
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point, to the surface of the die. The standard CMOS lateral PNP
shown in Fig. 2.12b normally has lower collector resistance because of
the proximity of its intrinsic collector to its extrinsic contact. Unfortu-
nately, however, it suffers from larger base resistance and higher
base-width modulation effects (i.e., lower Early voltage V, or equiva-
lently lower output resistance r,) because its base has lower doping
concentration than in an optimized vertical device, and lower doping
concentration produces higher depletion-width variations when con-
fronted with changes in reverse-bias voltages.

2.3.2 Small-Signal Response

For the most part, analog circuit designers bias the transistor at a par-
ticular dc quiescent point (e.g., V., V., I, and I . in Fig. 2.11) and mix
and sample small ac signal variations (e.g., v, , v, i, and i ) around that
point. Because these variations are small, linear first-order model
approximations predict their behavior reasonably well. As such, a
small change in v,, produces roughly linear variations in i. and i, and
changes in v, additional variations in i, as illustrated in Fig. 2.14a.
The product of the first partial derivative of i  with respect to v,
(di./dvy;) and small variation v, describes the resulting change in i :

di I
. o] B c
ZC 0., =0 = vbe [aUBE] = vbegm - vbe [Vt] (215)
Uy i ’.L, , Cy . <z;
_by <& B c
o ai ® MWW | MW@
B Vbe<avc > C B Ry | . L | R C
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ST o T FT
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Ficure 2.14 (a) Small-signal current variations model and (b) complete and
(¢) simplified small-signal models of an NPN BJT.
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where g , as also shown in Fig. 2.14b, is the effective transconduc-
tance and I the biasing dc current of the BJT. Similarly, the product of
the first partial derivative of i with respect to v_ (di./dv;) and small
variation v_ describes the resulting change in i :

: B dic | _ B I.) v, ’1
! 0,,=0 ~Uce avCE _Ucego ~vce VA - r ( . 6)

c
[

where g is the effective output conductance of the device. Because
this linear current variation results from a change in the voltage across
its own two terminals v_, output resistor 7, as shown in Fig. 2.14b,
with an equivalent resistance of V,/I. can be used in place of depen-
dent conductance g . Finally, the product of the first partial derivative
of i, with respect to v, (di,/0v,;) and small variation v,  describes the
resulting change in i,, which is also the resulting change in i_divided
by the current gain ratio B:

. alB _ vbe aZC _ gm _Ube
T e [aUBE]_ B [avBE " e B (217)

Again, since the variation in i, is the result of a change across its own
two terminals, resistor 7, as shown in Fig. 2.14b, with equivalent
resistance g /P also predicts i,.

Because a BJT is two back-to-back diodes, base-emitter and
base-collector diode capacitances are also present in the device. The
base-emitter capacitance is a stronger function of diffusion than for-
ward-biased depletion width and therefore linearly proportional to
the time minority carriers take to cross the base (i.e., forward transit
time 7,) and transconductance g :

Cyr, =C

BE j.dif

_Aq [ A _ _
+ Cf.dpl = Cj.dif - FBE - (AUBE]TF - ngF =Cn (218)

where g is charge and C_the base-emitter junction capacitance. The
base-collector capacitance, on the other hand, because the junction is
reverse biased, is only a function of depletion width. As such, this
capacitance is inversely proportional to reverse-bias collector-base
voltage v, and linearly proportional to area A and zero-bias junction
capacitance per unit area C7, :

jebo®

ACY,

icbo
Cpe = ————==C,4 (2.19)
148
V.

BI
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where V refers to the built-in barrier potential and C, to base-collector
capacitance C,.. The effects of extrinsic components R, R,, R, and C,
are normally negligibly small, when considering first-order effects,
which is why the simplified small-signal model of Fig. 2.8¢ is often use-
ful. As in the diode, peripheral sidewall contributes additional and
similar capacitance.

Base-emitter and base-collector capacitances C, and C, shunt base
input signal v, at higher frequencies and consequently decrease the
effective transconductance gain of the device. The frequency when
short-circuit current gain i /i,_falls to one is defined as the transitional
frequency (f,) of the device beyond which the transistor is, for the most
part, of no use, that is, incapable of amplifying ac signals. During
short-circuit conditions, when small-signal v is zero, r, C, and Cu
are in parallel (neglecting parasitic ohmic resistors R, R, and R, in
Fig. 2.14b) and the voltage across them (v, ) is the product of input
current i, _and its equivalent parallel impedance,

% A el LR GRS A
— rn —1
g oo L (2.20)
T=2n(c(:,;;cu)

where i /i is evaluated at its transitional frequency f,. Higher
transconductances with smaller device areas (i.e., lower capaci-
tance) yield higher transitional frequencies and are therefore deemed
better (i.e., higher frequency) devices.

2.3.3 Layout

Figure 2.15 illustrates the top layout views of typical bipolar and
biCMOS vertical NPN and CMOS lateral PNP transistors, both of
which are direct translations of the profile views shown in Fig. 2.12.
For good matching performance, multiple devices should be placed
close to each other with a common center of mass and cross-coupled
to cancel die-wide process gradients. Although not as important as in
polysilicon resistors and capacitors, which suffer from etching errors,
placing equidistant dummy devices around the periphery of an array
of matched devices improves matching performance by emulating
and mimicking the same peripheral diffusion conditions for all
devices and therefore better matching their out-diffusion distances.
As for power, increasing the emitter area of a vertical B]T increases
the current-carrying capabilities of the device. In the lateral case, how-
ever, the intrinsic emitter area is the peripheral sidewall of the emitter
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Ficure 2.15 Top views of (a) vertical bipolar and biCMOS NPN and (b) lateral CMOS
PNP BJTs.

diffusion, not the top-view area. As such, a “donut” (i.e., ringed) collec-
tor around a minimume-sized emitter dot collects more diffused minor-
ity carriers from the base (than a strip) and consequently improves the
transport efficiency of the lateral device. To increase its current-carrying
capabilities, unlike the vertical device, multiple, minimum-sized emitter-
dot lateral devices are connected in parallel.

In analog applications, two or more transistors may share one or
two of the three terminals available. It is possible, depending on the
configuration and technology used, to merge two or more devices
sharing two common terminals, optimizing the use of silicon real
estate and reducing cost. A single vertical BJT, for instance, can have
several emitter dots to channel and split its collector current into sev-
eral emitter currents, as shown in the multiple-emitter vertical NPN
device of Fig. 2.16a. More common, however, is the use of multiple
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N+ buried layer 3

Emitter | Emitter 2 N-Well

E1© OE2
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Ficure 2.16 Top layout views of (a) multiple-emitter vertical NPN and (b) multiple-
collector lateral PNP transistors.
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collector devices in current-mirror configurations, which the merged,
multiple-collector lateral PNP transistor shown in Fig. 2.16b achieves
readily. The basic idea is to collect a fraction of the diffused carriers
with one collector and the remainder with the other collector. Propor-
tionally sizing the emitter areas in the vertical device and collector-
ring ratio in the lateral case sets the current split ratio between emit-
ter and collector terminals, respectively.

Metal-Oxide Semiconductor Field-Effect Transistors

2.4.1 Large-Signal Operation

Intrinsic Device
Metal-oxide semiconductor field-effect transistors (MOSFETSs) differ
from BJTs in that current flow is mostly the result of an electric field,
not diffusion. They are two-terminal resistors with a conductance-
controlling third terminal called the gate. The voltage applied to the
parallel-plate metal-oxide-semiconductor (MOS) capacitor (gate)
directly above the resistor modulates the charge (i.e., resistance) across
the channel between the two terminals of the resistor. Even though
modern-day MOSFETs use polysilicon material in place of the metal
gate (Fig. 2.17), they conventionally retain the name MOSFET.
Applying a negative voltage to the gate (v, < 0) of an n-channel
MOSFET (i.e., NMOS transistor), as shown in Fig. 2.17a, attracts p+
majority carriers from the bulk to the surface near the gate, effec-
tively accumulating charge carriers near the surface and increasing its

O<vg<Vp
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Ficure 2.17 N-channel metal-oxide semiconductor field-effect transistor (MOSFET)
in (a) accumulation, (b) depletion, and (c) inversion.
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majority carrier concentration. Because all pn junctions are reverse
biased, no current flows and the device is said to be off. Applying a
small positive voltage to the gate, as shown in Fig. 2.17b, repels p+
majority carriers from the surface and depletes the region immedi-
ately beneath the surface of charge carriers, but still no current flow
is established. Applying sufficient positive voltage to the gate, above
the threshold voltage of the device (e.g., v, > V), attracts charge car-
riers from the n+ contacts into the region just beneath the gate,
effectively inverting the latter and connecting the n+ terminals with
an n-type channel (Fig. 2.17c), which is why this device is called an
“n-channel” MOSFET. Further increasing gate voltage v, increases
the charge-carrier concentration of the channel and therefore
increases the effective conductance of the same, achieving the
desired operational dynamics of a transistor.

As with any resistor, the channel resistance is a function of minor-
ity carrier mobility and increases with increasing channel length L
and decreasing channel width W. As previously stated, it also
decreases with increasing gate voltage v, (or gate-source voltage v)
and gate-oxide capacitance. Ultimately, the current through the device
is inversely proportional to channel resistance R, (and the depen-
dencies just described) and directly proportional to the voltage across
its terminals (i.e., drain-source voltage v ):

) v | A
ZD =LS= UDS — KN[(UGS _VT)_O'S’ODS]
RCharmel L Vps<Vps(sat)
Wi,
) (T) K{[(vgs = Vi)ops] (2.21)

where KIQ is the transconductance parameter, which is equal to the
product of n-type mobility p, and oxide capacitance per unit area
C?,- This relationship only holds true if the voltage across the channel
(vpe) is relatively low (i.e., below saturation voltage VDS<Sat)) and
is said to describe the triode or nonsaturated region of the MOSFET
(Fig. 2.18a and b).

The charge immediately beneath the gate is directly proportional
to the voltage applied across the gate-oxide-semiconductor parallel-
plate capacitor (i.e., Q = C,, V). As such, increasing the channel volt-
age v, while keeping gate-source voltage v unchanged decreases
the charge at the drain terminal, but not the source terminal, as graph-
ically shown in Fig. 2.18b. When the voltage across the oxide capaci-

tor at the drain is effectively zero, that is, when U equals V. or

-V = VDS(sat) (2.22)

U =0
DS|pinch GS
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Ficure 2.18 N-channel MOSFET in (a) and (b) triode and (c) saturation.

where V. . is the saturation voltage of the MOSFET, the channel pinches at

the drain and additional increases in v, simply shift the pinch-off point
further into the channel, as shown in Fig. 2.18c. The voltage across the now

shorter channel remains constant at V., which is why drain current i,

saturates to a relatively constant value, but because the channel length

decreases slightly with increasing v, channel resistance R, . also
decreases and i, increases slightly with increasing v,

— VDS(sat)

Plos2Vos sar R hannel
Wi, 2
=~ Vis(sat) T K (vgs = Vi) = 0.5Vpg e 11+ Avpg)
W
~ 0.5&) K, (065 Vy) (14 Aopyg) (2.23)

where A is the channel-length modulation parameter, the device is

said to be in saturation, and VDS(Sat) is v — V., and can be rewritten as

V.

Ds(sat) = Vas

(2.24)

Since the current is relatively constant against variations in v, except
for small channel-length modulation effects, the effective output resis-
tance of the transistor is high, which is helpful in high-gain circuits.
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Just as the emitter and collector derive their names because they
emit and collect minority charge carriers into and out of the base,
respectively, source and drain derive their names because they source
and drain minority carriers into and out of the channel. The source in
an n-channel MOSFET is always the lower potential terminal and the
drain the higher potential, and vice versa for the p-channel transistor,
given the complementary nature of the device. Unlike the BJT, which
device engineers optimize to operate in forward active, the MOSFET
enjoys the benefit of true asymmetric performance because the source
and drain are equally doped and can therefore be swapped without
any degradation in performance, as shown in the I-V curves of Fig. 2.19.
In saturation, the device follows a square-law behavior, given its
square dependence to v .. Note there is no input current into the gate
because the input impedance is purely capacitive. In addition, the
arrow always corresponds to the source and its direction denotes the
direction of current flow.

In an n-well p-substrate technology, the bulk terminal (also known
as the body) of the n-channel transistor is the substrate, as shown in
Figs. 2.17 and 2.18, so its potential is always the most negative avail-
able in the IC to reverse bias all substrate pn junctions. The bulk (or
body) terminal of the p-channel transistor, on the other hand, is the
n-well (Fig. 2.20), which can be connected to any potential the design
engineer chooses. Normally, bulk and source are short-circuited (or
bulk tied to the most positive potential) to prevent source-bulk and
drain-bulk junctions from forward biasing.

Changing the bulk-terminal voltage modulates the conductance
of the channel, which is why the bulk is also a back gate. The resulting
drain-current variation is called the bulk effect. In the case of a p-channel
MOSEET (Fig. 2.20), decreasing the bulk voltage attracts more holes
from the source into the channel, effectively decreasing its resistance

Vvpg > V)
ip | DS Dstan Vass > Vas2
. Vigso >V,
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1
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Ficure 2.19 |-V curves for an n-channel MOSFET.

69



170

Microelectronic Devices

Chapter Two

vsG > Vil
Bl;lélé; r vg<vs—|Vy| VsD Vsbisat)
terminal Vs © VD <Vs = Vsp(sar)

. ?

G@—{ —0O N+

_ [ P

oD N-Well = ANV ¥
P-Substrate

Figure 2.20 P-channel MOSFET in an n-well p-substrate CMOS technology.

and increasing current flow. Generally, forward biasing the source-
bulk junctions of both p- and n-channel devices induces higher cur-
rent flow, and vice versa. In essence, the bulk voltage changes the
work function above which the gate voltage must surpass the source
voltage to invert the region immediately beneath the gate and its
effects are therefore accounted in threshold voltage v,:

Orn = Vino + V(20 — 0 —+20) (2.25a)

and

910 | = | Vipo |+ ¥(4/20 = g5 —+/20) (2.25b)

where v, and v, are the n- and p-channel threshold voltages, V_,
and V., the zero-bias n- and p-channel thresholds (when bulk-source
voltage is zero), y the bulk-effect parameter, and 2 ¢ a process-dependent
constant (normally 0.6 V).

The MOSEFET is a capacitor-based transistor because it is through
the oxide capacitance (and its electric field) that charge accrues
directly beneath the gate. This is why parallel-plate oxide capacitors
exist between gate and source and gate and drain, as can also be
appreciated from the profile views of Figs. 2.17, 2.18, and 2.20. The
gate must overlap the source and drain to ensure the inverted chan-
nel shorts them when in triode. As a result, a small overlap oxide
capacitance C, exists between gate and source and gate and drain
that is directly proportional to channel width W, overlap length L,
and oxide capacitance per unit area CJ, (where C, = WL_,C{ ). The
reverse-biased junctions attached to the drain and source introduce

additional parasitic depletion-mode capacitors C_, and C;:

ACY

Cop = ——— (2.26)
Ysp.

V.
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AC”,
_ i (2.27)

Ups

V.

BI
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where C7  and C/,, are the zero-bias source- and drain-bulk capaci-
tances per unit area. As before, the peripheral sidewall contributes
additional and similar capacitance.

The main capacitance associated with the MOSFET is from gate to
channel, but because the actual length of the channel varies with v
(Fig. 2.18), its value also changes with v_.. In the triode region, for
instance, when the length of the channel is the distance from source to
drain (drawn length L), the total gate-channel capacitance splits equally
between source and drain and is directly proportional to W, drawn
channel length L, and CJ, (i.e,, C = C,, = 0.5 WLCZ + WL, CZ ). In
the saturation region, however, the channel length shortens and the
channel extends the source further, effectively increasing C_ by another
fraction of the channel capacitance (i.e., C, = 0.67 WLCJ, + WL ,C{)
and decreasing C_, to its overlap component (i.e., C, = WL ,C_.”). In

the off region, both capacitors are relatively small and appl%/xi?r);ately
equal to their overlap values (ie., C, = C, = WL, C? ). Figure 2.21
illustrates graphically how these capacitances change across the oper-
ating modes of a MOSFET.

MOSEFETs normally undergo a V_-implant process step to ensure
their threshold voltages are within acceptable window limits across
process and temperature corners (e.g., 0.5-0.7 V). Devices not exposed
to this implant adjustment are said to be natural or native. Natural
NMOS transistors in p-type substrates have a nominal threshold volt-
age of approximately 0 V and natural PMOS devices -1.5 V.

To distinguish these natural devices and other transistors from one
another, it is helpful to use distinctive schematic symbols, somehow illus-
trating their distinguishing electrical properties in a graphical, but subtle
manner. The most basic three-terminal, capacitor-coupled gate MOS
symbol belongs to the substrate, enhancement-mode transistor (V. > 0

Vps < Vbs(san vas > Vin
0.6TWLCo} + WLoLCof 4+~ = = — = p == == = = 4 = =27 D .
: . | Gs
Off | Triogle | Sat
0.SWLCog + WLy Cof L — — = — _ L VAN S
| | \‘ C
v | Caopr C | | GD
WLo Cox L2622 GS _/ _ _ _ _ _|____ - maam
Vin vGs Vbs(san Vbs

Ficure 2.21 Gate-source and -drain capacitances across MOSFET operating
regions.
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Ficure 2.22 Typical symbols for (a) substrate, (b) bulk-isolated, (c) zero-V, (e.g.,
natural NFET) (d) depletion-mode (V,, < O V), (e) poly-2, and (f) drain-extended
(i.e., n-well drain) NMOS transistors.

and V,, < 0), as is the case for a substrate NMOS in a p-type substrate
(Figs. 2.18 and 2.224). A fourth back-gate terminal (Fig. 2.22b) indicates
the bulk is isolated from its substrate, as exemplified by the n-well
p-channel device shown in Fig. 2.20. An additional dashed line between
source and drain (Fig. 2.22c) normally indicates the existence of a slightly
inverted channel with zero gate-source voltages, as with natural NMOS
devices whose threshold voltages are near zero. Similarly, an additional
solid line between drain and source (Fig. 2.22d) typically represents the
existence of a strongly inverted channel with zero gate-source voltages,
as is the case for devices expressly V -adjusted for this purpose, other-
wise known as depletion-mode transistors. A thicker gate line (Fig. 2.22e),
on the other hand, may indicate the gate is built with a second-level
polysilicon strip (with a thicker gate oxide between gate and channel),
which is useful for applications requiring higher gate-source breakdown
voltages. Although not as common, a modified drain line, as shown in
Fig. 2.22f, may also indicate the drain has lower doping concentration, as
with substrate NMOS transistors with n-well drains, which are useful in
applications requiring higher drain-gate and drain-source breakdown
voltages. These and other variations (combined or otherwise) also apply
to PMOS transistors.

Extrinsic Device

The extrinsic portions of the MOSFET are the ohmic-series resis-
tances and parasitic pn junctions attached to each terminal. A sub-
strate n-channel MOSFET, for instance, as shown in Fig. 2.18, has
parasitic source, drain, gate, and bulk resistances R, R, R, and R,,
respectively, and reverse-biased bulk-source and -drain pn-junction
diodes (Fig. 2.23a). A welled MOSFET also has parasitic bipolar
devices attached to its drain and source, as exemplified by the n-well
p-channel MOSFET shown in Fig. 2.20 and modeled in Fig. 2.23b.
These parasitic substrate bipolar devices channel current directly
into the substrate, generating noise and therefore compromising the
fidelity of the entire chip. This is the reason why designers normally
avoid forward biasing the bulk-source junction, even though it may
decrease the effective threshold voltage of the device.
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Ficure 2.23 Large-signal models of (a) substrate n-channel and (b) n-well p-channel
MOSFETSs.

2.4.2 Small-Signal Response

Small-signal variations in all terminal voltages cause small-signal
variations in the drain-source current that can be approximated rea-
sonably well with linear, first-order models. More specifically, gate-,
bulk-, and drain-source voltage variations Uy Vpyr and v,, respec-
tively, induce small variations in drain current i, via gate-channel
capacitance, bulk, and channel-length modulation effects (Fig. 2.24a).

i C i
8, P |G|D , d
di O \WW\ WW—©
Vbs <a L > i G Rg ! Vbs 8mb R, D
Vgs d -
ds C
S om | DB

oG]

Ficure 2.24 (a) Current-variation, (b) complete, and (c¢) simplified small-signal
models of a MOSFET.
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Consequently, the product of the slope of i, with respect to v at its
biasing point (i.e., first partial derivative of i, with respect to v
di,,/dv ;) and small variation [ describes the resulting change in i :

. dip, | _ / (W
! 00e=0,00,=0 Ugs(aUGSJ S0s8m = Ugs 2I,K (Tj (2.28)

d

where g , as also shown in Fig. 2.24b, is the effective transconduc-
tance and I, the biasing dc current of the MOSFET. Similarly, the
product of the slope of i) with respect to v at its biasing point (i.e.,
first partial derivative of i, with respect to v . di /dv,;) and small
variation v,_describes the resulting change in i ;:

. 9 o
la g =0,0p=0 = Vs (avll;)s] =T4s80 = Ugs ()"ID) = rd (2.29)

ds

where g is the effective output conductance of the device. Because
this linear current variation results from a change in the voltage
across its own two terminals v . output resistor r , as shown in
Fig. 2.24b, with an equivalent resistance of 1/Al, can be used in
place of dependent conductance g . Finally, the product of the
slope of i, with respect to v, at its biasing point (i.e., first partial
derivative of i with respect to v,: di /dv,.) and small variation v,
describes the resulting change in i, which is really the effect of
modulating effective threshold voltage v, and has the inverse
effect of modulating v :

, dip ) (i do,
o[- di, \( do,
sl 9o N\ dogs

Y Y&m
=-7 SO m = S =v SO ml 230
bs8 {2\/2¢_V33] Vb [2\/2¢_VBS] bs8mb  (2.30)

where V is the dc bias bulk-source voltage and g _, the effective
transconductance, which is normally about one-tenth of the value
of g . The effects of extrinsic devices R, R, R, Cg,, and C; are
normally negligibly small, when considering first-order effects,
and g _ is often inconsequential because v, is frequently zero,
which is why the simplified small-signal model of Fig. 2.24c is
often useful.
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Gate-source and gate-drain capacitances C; and C_, shunt gate
input signal v, at higher frequencies and consequently decrease the
effective transconductance gain of the device. The frequency when short-
circuit current gain i,/i falls to one is defined as the transitional fre-
quency f, of the device beyond which the transistor is incapable of ampli-
fying ac signals. During short-circuit conditions, when small-signal v,_is
zero, C, and C_ are in parallel (neglecting parasitic ohmic resistors R ,,
R, and R, in Fig. 2.24b) and the voltage across them (i.e., vgs) is the prod-
uct of input current i and its equivalent parallel impedance,

el
0 (Cos+Coap)s | iin f S

T~ 27(Cas+Cap)

i Ugs8m

1 (231)

1.

in in

where i,/i_is evaluated at its transitional frequency f,. Higher trans-
conductances with smaller device areas (i.e., smaller parasitic capac-
itance) yield higher transitional frequencies and are therefore deemed
better (i.e., higher frequency) devices, which is why trench-isolated
MOSEFETs outperform their junction-isolated counterparts, because
no parasitic capacitance from a common source-bulk terminal to
substrate exists.

2.4.3 Layout

MOS devices match best when placed near one another, in the same
orientation, with a common center of mass, cross-coupled, and with
dummy devices around them to mitigate the effects of polyetching
errors. The gate must extend beyond the width of the drain and
source to ensure the channel, when inverted, fully extends across the
entire width of the device, as shown in Fig. 2.25a. When bulk and

Dummy poly Dummy poly

S/D®
B
G@—‘ —O

©S/D \Poly gate/ \Poly gate f
Lightly doped drains (LDD) P-Substrate
N+ Bulk )

N-Well

N-Well Dummy poly Poly gate Dummy poly
P-Substrate
(@ ©

Ficure 2.25 (a) Top-layout view of a p-channel MOSFET and relevant side profile
views of matching lightly doped-drain (LDD) p-channel MOSFETs with (b) dummy and
(c) active dummy polysilicon strips.
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source are at the same potential, the n+ bulk region is normally butted
against one of the p+ source/drain regions, forcing the latter to be the
source.

To save space and circumvent polyetching errors, dummy poly-
silicon strips may be used in place of dummy transistors. These strips
work reasonably well when the thin oxide regions underneath the
polysilicon gates are on the order of 450 A in height. Modern tech-
nologies, however, have oxide regions on the order of 125 A or less,
topographically placing the active polysilicon gates well beneath
their peripheral dummy strips (Fig. 2.25b) and decreasing the extent
to which the strips reduce etching errors. Plain polysilicon strips are
automatically placed above thicker field oxide (FOX) regions to
decrease their parasitic capacitance to the silicon substrate. It is there-
fore best to use dummy transistors, instead of plain polysilicon
strips, biased in the off region or active dummy polysilicon gate
strips, as shown in Fig. 2.25c. The active dummy strips may create
parasitic MOS transistors and should therefore be laid out and biased
toavoid inverting a channel immediately beneath them. For instance,
an active dummy strip on an n-well region should be tied to the most
positive potential to accumulate the region beneath them with major-
ity n-type charge carriers.

With a thinner oxide, the electric field strength near the drain
region increases (i.e., large drain-gate voltage across a relatively thin
dielectric), compromising the reliability of the device and prema-
turely inducing impact-ionization and hot-carrier effects. To prevent
these conditions, extending the drain with a lightly doped drain (LDD)
region, as shown in Fig. 2.25b and c, reduces the charge carrier con-
centration and therefore decreases the probability of hot carriers
crossing the gate oxide. Similarly, replacing the highly doped drain
diffusion with a lighter doped well increases the drain-bulk break-
down voltage—these devices are sometimes known as drain-extended
transistors.

Junction Field-Effect Transistors

2.5.1 Large-Signal Operation

Intrinsic Device

A junction field-effect transistor (JFET) is a diffusion resistor whose
reverse-biased pn junctions “pinch” its conductive medium. Figure
2.26a and b illustrates how reverse-biased substrate-well and p+-well
depletion regions pinch an n-well resistor (i.e., n-channel JFET), increas-
ing its resistance as the channel pinches. The channel resistance is
therefore directly proportional to channel length L and inversely pro-
portional to channel width W, channel depth (i.e., as channel is less
pinched with increasing gate-source voltage v.), channel doping
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Ficure 2.26 Side-profile views of a substrate n-channel junction field-effect
transistor (NJFET) in (a) triode and (b) saturation (pinch off) and (c) a gate-isolated
p-channel JFET in saturation (pinch off).

density, and majority charge-carrier mobility in the channel. The result-
ing drain current is the ratio of drain-source voltage v, and channel

resistance RChannel:

. v 21
ip=—5—2—= v | =22 [(0gs + |V ) — 0.50,4]
R channel 1 s <Vosn
21
= Upg | 75205 | (Vs [V ) (2.32)
[Vl

where v__ is low (i.e., in triode, when v

oS s 1S below saturation voltage
Vbseary) and the ratio of 1

s and pinch-off voltage squared V ?is directly
proportional to W, doping density, and mobility and inversely pro-
portional to L. When v, increases beyond the channel pinch-off point

(i.e., v . is greater than | V| or v__ greater than V. ):
pc 15 8 P bs & DS(sat)
Vistsaty = Vast 1Vl (2.33)

The voltage across the channel and (therefore) drain current i,
remain relatively constant, irrespective of v ., except the effective
length of the channel and (consequently) channel resistance R

decrease slightly with increasing v,

Channel

Vosean (1
i = DS z[%}(vcs+|VP|)2(l+?wDS) (2.34)

D
vDS>VDS(sat) RChannel P
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where A is the channel-length modulation parameter and the device
is said to be saturated or in pinch off.

The JFET is a drift-based device and its drain-current relation-
ships therefore mimic those of the MOSFET, including its I-V curves
(Fig. 2.19). The driving difference between the two, from an opera-
tional standpoint, is that the JFET is normally on with zero gate-
source voltages and the MOSFET is typically not. The JFET also has a
small gate current (i.e., the reverse-saturation current of its gate-chan-
nel pn junctions), which is nonexistent in the MOS counterpart.
Because the channel dimensions depend on the out-diffusion lengths
of the channel and gate (instead of the photolithographic resolution
of processing masks), shrinking the JFET to MOSFET levels, follow-
ing Moore’s law, is not as straightforward. As a result, considering
the demand for increasingly dense system-on-chip (SoC) integration,
MOSEFETs enjoy the popularity JFETs cannot hope to achieve. How-
ever, because the channel is well beneath the gate, away from surface
irregularities and imperfections, the device exhibits less 1/f noise,
finding a niche market in low-noise applications. Additionally, since
JFET resistances can be substantially large, designers often use them
as high-value resistors (i.e., as pinched resistors).

The JFET is essentially a resistor with two reverse-biased pn junc-
tions. As such, its schematic symbol is a solid line between drain and
source, denoting the explicit channel resistor, with an arrow pointed
at or away from the top gate that is capacitively coupled to the chan-
nel via a pn-junction depletion-mode capacitor to indicate the orien-
tation of its pn-junction gate. The n-channel device has the arrow
pointing to the gate (Fig. 2.27a) and two depletion-mode capacitors
connected to source and drain,

Acy,
CDep I (235)
Z)R
1+ —=
TV

BI

where gate-source- and -drain capacitances C; and C_, in Fig. 2.27
conform to C;,  above when C7 is replaced with their respective zero-
bias capacitances per unit area and v, with their respective reverse-bias
voltages (note peripheral sidewall contributes additional and similar
capacitance). The channel resistance, as with most diffusion resistors,
normally exhibits a positive temperature coefficient, becoming weaker
(i-e., conducting less current) at higher temperatures.

Extrinsic Device

Series gate, source, and drain resistances R ,, R, and R, respectively,
comprise the extrinsic portion of the device. There is also a parasitic
vertical BJT in the substrate n-channel JFET with the source as its base,
as shown in Fig. 2.26a, except all relevant pn junctions are reverse
biased and the BJT is consequently in the off mode, that is, practically
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Ficure 2.27 Complete large-signal models of (a) substrate n- and (b) gate-
isolated p-channel JFETs.

nonexistent. Since the bottom gate of the p-channel JFET in Fig. 2.26¢
is a well immersed in the substrate, an extrinsic pn-junction diode to
the substrate also exists, as modeled in Fig. 2.27b.

2.5.2 Small-Signal Response

Gate- and drain-source voltage variations v_ and v, respectively,
induce small variations in drain current , via the pinching and channel-
length modulation effects, both of which are reasonably modeled with
linear, first-order approximations (Fig. 2.28a). The product of the slope
of i, with respect to v at its biasing point (i.e., first partial derivative
of i, with respect to vy di;,/dv) and small variation v describes the

resulting change in i :

. dip, | Tpes
: V4s=0 = Ugs (aUGSJ :vgsgm = Z]gs 4ID [V_g (236)

d

where I | is the biasing dc current of the JFET. Similarly, the product of
the slope of i, with respect to v, (i.e., first partial derivative of i, with
respect to v, : di,/dv,.) and small variation v, describes the resulting
change in i

, iy ) o,
faly o = Yas (_9%5} =458, = Vas (Mp) = (2.37)

d
ds

Because this last linear current variation results from a change in the
voltage across its own two terminals v,, output resistor r, (Fig. 2.28b)
with an equivalent resistance of 1/Al, can be used in place of g. The
effects of extrinsic devices R, R,, and R, are normally negligibly small,
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Ficure 2.28 (a) Current-variation, (b) complete, and (c¢) simplified small-signal
models of a JFET.

when considering first-order effects, which is why the simplified
small-signal model of Fig. 2.28c is often useful.

Gate-source and gate-drain capacitances C_, and C_, shunt gate
input signal v at higher frequencies and consequently decrease the
effective transconductance gain of the device. The frequency when
short-circuit current gain i,/7, falls to one is defined as the transi-
tional frequency f, of the device beyond which the transistor is inca-
pable of amplifying ac signals. During short-circuit conditions, when
small-signal v,_is zero, C; and C_, are in parallel (when neglecting
parasitic ohmic resistors R, R, and R,) and the voltage across them
(v,,) is the product of input current i and its equivalent parallel

impedance,
id Ugs 8m i g
—=— =—01 <" =1 2.38
in Lin 0 |:(CGS +Cqp)s :|[ Ly j S ( )
U=

T~ 2m(Cos+Cap)

where i,/i. is evaluated at its transitional frequency f,.

2.5.3 Layout

As with all previous devices, JFETs match best when placed near one
another, in the same orientation, with a common center of mass,
cross-coupled, and with dummy peripheral devices around them to
mitigate out-diffusion mismatch effects. In the case of the substrate
n-well JFET shown in Fig. 2.26a and b, the top p+ diffusion must
extend beyond the width of the n-well to fully pinch the resistor (and
avoid short-circuiting the resistor on the sides), as shown in Fig. 2.294,
in the process short-circuiting the gate to the substrate. Because the
connectivity of the gate is limited to that of the substrate, the transis-
tor is said to be a substrate device. In the case of the p-channel JFET
illustrated in Fig. 2.26c, the bottom gate is isolated from the substrate
so the gate terminal has more flexibility, but as with the substrate
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Ficure 2.29 Top-layout views of (&) substrate n- and (b) gate-isolated p-channel
JFETs.

JFET, its top gate must extend beyond the width of the resistor and

overlap with the n-well bottom gate.

2.6 Summary

The resistance of resistors, as are MOSFETs and JFETs, depends on the
physical characteristics and dimensions of the current-conducting
medium, that is, on its resistivity, length, width, and depth. The capac-
itance of capacitors, on the other hand, depends on the surface area of
the facing plates, the distance between them, and the permittivity of
the material separating them. A diode, unlike resistors and capacitors,
is a diffusion device that conducts current only when forward biased,
and its relationship to its voltage is exponential. BJ Ts exploit this expo-
nential diffusing-current relationship by exposing diffused charge car-
riers to a reverse-biased pn junction that is immediately next to the
forward-biased device, sweeping all carriers to a collector terminal—
note modulating the voltage or current into the middle region (i.e., the
base) varies the current. MOSFETs and JFETs vary the channel resis-
tance across its terminals via an electric field, inducing a change in cur-
rent via drift effects. FETs are therefore voltage-driven devices, unlike
the BJTs, which are current driven. Ultimately, with respect to applica-
tion, small-signal changes in voltages induce approximately small /in-
ear variations in current. Small-signal variations, linear transconduc-
tances, input and output resistances, and capacitances are arguably the
most important analog parameters of a device, as they describe how a
device converts voltages into currents, and vice versa, across frequency,
up to its transitional frequency point f. beyond which signals can no

longer be amplified.
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Understanding how these devices work intrinsically is the first
step in building robust ICs. Extrinsic parasitic effects, however, exist,
and if not minimized through careful physical and electrical design,
their impact on a system may be fatal. Ultimately, the intrinsic and
extrinsic limits of the physical components comprising a system set
the operational limits of the same, especially when exposed to pro-
cess and temperature extremes. Chapter 3, as a follow-up step in the
analog IC design process, discusses how to combine these devices to
build the basic analog circuit blocks necessary to design analog sub-
systems like the voltage regulator.



Source: Analog IC Design with Low-Dropout Regulators

CHAPTER 3

Analog Building
Blocks

microelectronic devices to process currents and/or voltages. The

electronic systems they comprise vary in nature and often call for
sensing and/or conditioning naturally existing signals that (1) have
low- or high-energy content and (2) require voltage-voltage, current-
voltage (transresistance), voltage-current (transconductance), and/
or current-current conversion and amplification or attenuation (i.e.,
conditioning). Common analog applications include regulation and
control, as in the case of linear regulators, where enclosing signal-
processing amplifiers in closed feedback loops ensures the sensed
outputs in the loop remain unchanged when confronted with a
changing environment.

A regulator, in particular, senses, amplifies, and controls its con-
ductance to ensure the output is within specified limits, irrespective
of its load, input, and operating conditions. Sensing the output volt-
age, converting it to current, processing current, and converting it
back to voltage are intrinsic in this process, which is why amplifiers,
converters (of all sorts), and current mirrors constitute basic building
blocks in analog ICs. Resistors, capacitors, and transistors, be they
bipolar-junction transistors (B]JTs), metal-oxide semiconductor field-
effect transistors (MOSFETs), or junction field-effect transistors
(JFETs), to this end, channel and convert currents into voltages, and
vice versa, in the process amplifying and conditioning signals as
desired and prescribed by the designer and the process technology
used. This chapter discusses how microelectronic devices (alone and
combined) achieve the basic analog functions necessary to design
and build higher order analog systems. Subsequent chapters then
discuss how these blocks combine to build and establish stable and
robust regulating feedback loops, the ultimate purpose of which, as it
pertains to this textbook, is to design high-performance low-dropout
regulators.

Integrated circuits (ICs) achieve prescribed functions by using
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Single-Transistor Amplifiers

3.1.1 Common-Emitter/Source Amplifiers

Single-transistor amplifiers are among the most basic, yet most
useful circuits in analog IC design, especially the common-emitter
(CE) and common-source (CS) transistors. CE and CS stages, as
illustrated in Fig. 3.1a, have their emitters and sources connected to
low-impedance points (i.e., ac grounds), which is why those termi-
nals are said to be at common nodes. Because collector and drain
currents are strong functions of base and gate voltages and weak
functions of collector and drain voltages, bases and gates in CE and
CS circuits are used as input terminals and collectors and drains as
outputs. The collector or drain load is typically a combination of
complementary p-type CE and CS stages, current sources, resis-
tors, and/or whatever other impedances the surrounding electron-
ics introduce.

Large-Signal Operation

CE and CS stages are voltage inverters because their outputs are high
when their respective inputs are low, and vice versa. For instance,
when the base-emitter or gate-source voltage (i.e., input voltage v,,)
in an n-type CE/CS stage is below the level necessary to sink load
current [, (i.e., v, is less than VIN(high) in the transfer function shown
in Fig. 3.1b), the load pulls output v, closer to the positive supply
(i-e., toward VOUT(maX)). Similarly, when v, is above the level necessary
to sustain I (i.e., v, is greater than VIN(low))’ the transistor pulls v,
closer to the negative supply (i.e., toward Vi, . ).

Because the n-type inverting device is off when v, is zero, the

output reaches the positive supply (i.e., V., is positive supply

VOUT(maX)

Small-signal
variations

Vins Vour)

VIN
Ve > Vegmin ©

CS

VouT(min)
Vps > IpiasRon

'
Vinigh) ViNGow) VIN

(a) (b)

Figure 3.1 (a) Common-emitter (CE) and common-source (CS) gain circuits and
(b) their large-signal Response.
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voltage V. or V). When the input is at its maximum driving volt-
age, however, the inverting transistor pulls the output closer to the
negative supply, but not completely. Under maximum driving condi-
tions, in fact, a BJT pulls the output within V cbminy OF 0.2-0.3 V of the
lower supply because the base-collector pn-junction diode forward
biases and clamps v, ;,. In the MOSFET case, the triode channel resis-
tance determines the extent to which the transistor pulls v, to its
respective supply: V. s withina I, R, 0o (or I Ro\) volt-
age from the supply. Note that allowing the BJT to enter the satura-
tion region slightly has little to no impact on its high-gain character-
istics because the base-collector junction current remains substantially
lower than the base-emitter current, effectively extending its high-
gain collector-emitter voltage range to within approximately 0.2-0.3 V
of the supply. Conventionally, deep saturation limit V. . beyond
which the BJT undergoes significant changes, is said to be roughly
0.2-0.3 V.

Small-Signal Response at Low Frequency
In most analog applications, designers bias the amplifying transis-
tor at a point in its large-signal range that produces the highest
voltage gain. As such, input signal v, comprises dc biasing voltage
V\ and ac input voltage v, , the former of which is used to ensure dc
output voltage V, is between the supplies (Fig. 3.1b) and the
amplifying transistor is in its high-gain mode (i.e., forward active
or slightly saturated for a BJT and saturation for a MOSFET). Under
these quiescent biasing conditions, small ac variations in v (i.e.,
v, ) generate relatively larger ac variations in v, . (ie., v ) as
denoted by the relatively steep slope at biasing point (V, V ;) in
Fig. 3.1b.

To determine the low-frequency voltage gain of the circuit A, the
amplifying transistor is replaced with its small-signal equivalent cir-
cuit model, as shown in Fig. 3.2. For simplification, loading resistor
and capacitor R, , and C, , collectively embody all loading effects,
including those of bias current generator I__. Low-frequency output
voltage v_ is therefore the ohmic voltage drop across the parallel
combination of output resistor r, or r, and loading resistor R

IN/

Load”

(a) (b)

Ficure 3.2 Small-signal models of the (a) common-emitter (CE) and (b) common-
source (CS) amplifiers with their respective source- and load-equivalent circuits.



86

Analog Building Blocks

Chapter Three

which results from pulling transconductor current v, g or v, g, (ie.,
v, &) through the resistors:

Z}ou _vin m(rn “R oa )
Ayyp =t = oSl g R, BD)

m m
where transconductance g can be micro- to milliamps per volt and
output resistor r, or r,_ kilohms to megohms. Unloaded gain —g, r or
-8, (Where R, is infinitely large) is said to be the intrinsic or max-
imum gain of the transistor, as connecting anything else to the output
reduces its effective output resistance and therefore decreases its volt-
age gain. This relatively high voltage gain is, for the most part, the
driving feature of the CE/CS transistor. Note CE and CS circuits
invert their input signals by 180°.

Normally, a single stage does not provide sufficient gain and, in
cascading several, two-port model equivalents of each successive
stage are useful. The ac-equivalent circuits shown in Fig. 3.2 are sim-
ple enough that they also constitute useful two-port models for CE
and CS stages. The three most important parameters associated with
these models are small-signal input resistance R, output resistance
R, and transconductance gain G,, which in this case are r_or infi-
nitely high, r or r,, and g , respectively. Input resistances can be
100-500 kQ (or infinitely high in the MOS case), output resistances
0.5-5 MQ, and transconductances 0.01-1 mS, yielding voltage gains
between 0.1-1 kV/V or 40-60 dB.

At times, CE and CS stages implement transconductance functions
with their collector or drain currents as their main output-processed
signals. In these cases, since the output signal is a current, the output
resistance of the circuit, like in a current source, should be substantially
high. Output resistances in the 0.5-5 MQ range, however, may not be
high enough, which is why a resistor is sometimes inserted between
the emitter/source and the low-impedance supply, as shown in Fig. 3.3,
to increase the overall series resistance of the circuit. To ascertain this
new output resistance, the input is connected to ac ground (i.e., v, is
zero) and a test voltage applied to the output. Because gate and bulk
are both at ac grounds and ¢, and g _, are consequently in parallel and
both directly proportional to source voltage v_(since v = v, ), the effec-
tive transconductance of the MOS case for this analysis is the sum of g _
and g . The ratio of the output voltage to its resulting current repre-
sents the short-circuit small-signal output resistance of the circuit:

_ Zout (10ut B Ugsgmeff )rds + 0,
R, = Jout _
uT 0, =0 1 i
out out
- (lout + Rloutgm.eff )rds + Rlout
iout

= rds + R(gm + gmb)rds +R= R(gm + gmb)rds (32)
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Assume ideal
current sources (g, = 0)

(b)

Ficure 3.3 (a) Emitter- and source-degenerated common-emitter and -source gain
stages and (b) their respective small-signal equivalent circuits.

where v__ is the test voltage applied across the output. Because
8,7, can be 40-60 dB, the R(g,, + g, ,)7,, term normally overwhelms
r,. and R, reducing the above expression to R(g, + &), which
again, is considerably larger than the original output resistance of
a CS circuit (i.e., r, ). Bulk-effect parameter g _,, by the way, disap-
pears if the bulk is connected to the source. In the case of a BJT,
bulk effects are also nonexistent (i.e., g _, disappears) and, because
v, is zero, r_is in parallel with R, shunting R (i.e., R||7,) and reduc-
ing its output resistance to (R||r,)g,r, or Pr, if R is considerably
larger than

[%
ot =y 4 (R||r)g, 70+ (R|I7,) = (R|Ir,)g,ro <Br, (3.3)

lout

R
ourt 0,,=0

Unfortunately, inserting R into the input-signal path also affects
the transconductance gain of the amplifier. Only a fraction of the
input signal is now impressed across the base-emitter or gate-source
terminals, decreasing the short-circuit transconductance current
flowing through the transistor by a factor of (1 + Rg, ):

— Zou‘r - Z;gsgm _ Z;gsgm _ gm

<L

G = = = =
=0 T; Ugs + Ur Z;gs + R(Ugsgm) 1+ Rgm 8m

M.LE|, (3.4)

Assuming the currents flowing through r, and g _  are negligibly
smaller than v_¢ , where G, is the effective low-frequency trans-
conductance of the circuit evaluated when v, 1S zero to ensure G
does not model what is already modeled by R

M.LF

our U (or v) is the
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voltage across R and v oS 18 the current flowing through R. The
resulting decrease in transconductance, now that G wpislessthang ,
is the reason why series resistor R is said to be an emitter- or source-
degenerating resistor and G, . the degenerated transconductance of the
CE/CS amplifier. In fact, when the degeneration voltage across R is
sufficiently large, G,, . reduces to 1/R. Degenerated CE/CS transis-
tors, by the way, are also known as cascode devices, especially when
their degenerating resistors are transistors.

Bulk effects also degenerate G, because g _, is in parallel with g
and decreases with increasing v,. Unlike g , however, the current does
not increase with the input gate voltage so it has no impact on the “gen-

erating” numerator of G, ., just the “degenerating” denominator:

— iout ~ Ugsgm Rgmb 8,n 1 (3 5)
=0 T, (o S 1+(g,,+ gmb)R S '

m

G

M.LEl,

where v, orv_isi  Randi_ , isthe difference between v oS and URg b
In the B]T case, bulk effects d1sappear and although the result is sim-
ilar, an additional base current i, flows through R thatis a 1/ transla-
tion of collector transconductor current v, g

G _iout — vngm _ vngm
Mo, =0 " v v +v, 1
v, +Rlv g, |1+
p
I SR (3.6)
1+Rg,, &.

The additional series resistance also increases the input resistance
(R, of the circuit, except in the MOS case where input resistance is
already infinitely high:

v, 0. +v, ir +(1+B)R
Ry=-2=—1_R_2 : B, =r_+(1+P)R (3.7)

Ly L L

where the total current flowing through R is base current i, and col-
lector current i_(i.e., Bib). Ultimately, because R, is larger than r, or
r,. the total output resistance of the circuit, including its load,
normally reduces to R, , and, since G,,,, is lower than g , low-
frequency voltage gain A, . tends to be lower than its nondegener-
ated counterpart:

A =Zout _ VG s Rour [ Rigaa) - ~8u(Riaa) (3.8)

v, (2 1+Rg,

m m
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Physical Interpretation of Poles and Zeros
To start, the parallel combination of a resistor and a capacitor consti-

tutes a pole:
Rl |-t =&
sC) 1+sRC 27s
1+—

p

From control theory, as shown in Fig. 3.4a, poles decrease the gain of a
circuit past their respective locations at a rate of 20 dB per decade of
frequency and lose a total of 90° of phase per pole. This reduction in
gain, in physical terms, corresponds to a signal losing energy through
a shunting capacitor and manifests itself as a lower root-mean-square
(RMS) current and voltage. Consider, for example, how input and out-
put capacitors C,_and C, in Fig. 3.4b steer energy (RMS current) away
from input v, and output v. The current and energy left for input and
output resistances R and R are lower (and so are their respective
voltages), producing the pole effects shown in the Bode plot of Fig.
3.4a. Because the impedance through the capacitor (1/sC) decreases
linearly with frequency, so does the corresponding gain of a circuit in
the presence of a pole, which is why there is a factor of ten change in
gain (i.e., 20 dB) for every tenfold increase in frequency (i.e., every
decade of frequency). Incidentally, feed-forward capacitors C,, .., and
Cipppp in Fig. 3.4b and c also steer energy away from v, and similarly
add to the shunting effects of C, to produce the pole effects just
described.

Y
N
s e 2 /
< % <
< ZLHP ZRHP
o _r » _____J{L______
5 ol Gl '
2 ¢ 2 z iNGms) & gt {ogms) !
3 3 LHP rms| | CKL 20 v,
= -90 = > —Arp i
<4 = 5 =1 Vin
Freq. [Hz] Freq [Hz] Ry R,
ZRHP N
(@ ©

Ficure 3.4 (a) Gain and phase Bode-plot responses of left-half-plane poles
(e.g., p, and p,) and zeros (e.g., z,,,) and right-half-plane zeros (e.g., and
(b) and (c) the circuits that produce them.

RHP)
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What is interesting about feed-forward capacitors C,, ., and C,. ... is
that they add energy to the output, which is the opposite effect of poles.
Recall from control theory, as shown in the figure, a zero increases the
gain past its location, which is exactly the effect feed-forward capacitors
have on a signal, given they add more energy to a signal as their imped-
ances decrease with frequency. Since designers often rely in the number
of inversions across a circuit to stabilize negative feedback loops, placing
feed-forward capacitors (e.g., C,,.,,,,) across noninverting gain stages, as
shown in Fig. 3.4, keeps the integrity of signal inversions across the cir-
cuit. This type of zero is useful and corresponds to a left-half-plane zero
whose net effect is to add 90° of total phase. A feed-forward capacitor
that carries the opposite polarity of the signal present at low frequencies
like C ..., as shown in Fig. 3.4c, undermines the integrity of the low-
frequency negative feedback loop because it has a tendency to invert the
phase of the output. Although this zero still adds energy to the output
and the gain increases, the phase shift across the circuit decreases a total of
90°, like a pole, unlike a conventional left-half-plane zero.

Another way to interpret pole-zero effects in a circuit is to consider
impedance. Consider, for example, the RC network shown in Fig. 3.5a.
At low frequencies, the capacitor is an open circuit and the resistance is
at its maximum value, so the transresistance gain at that point is also
high, as shown in the frequency response of Fig. 3.5b. As frequencies
increase, past the point the impedance across capacitor C is equal to R,
the total impedance from signal v_to ground decreases and so does its
gain—this drop in gain as frequency increases corresponds to a pole.
At higher frequencies, however, when C’s impedance is substantially
lower than R, the total resistance across the network reduces to R,
which, with respect to frequency, flattens the gain. This flattening effect,
because it opposes the effects of the preceding pole, corresponds to a
zero—this zero is on the left-half plane because there was no signal
inversion across the circuit.

Ficure 3.5
Changing
impedance effects
of (a) an RC
network and (b) its
corresponding
frequency
response.

v /i, [dB]

Freq. [Hz]

(@ (b)
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Time-Constant Technique

In ascertaining the response of bandwidth-limited, or more to the point,
low-pass filter circuits across frequency, it is often useful to determine
the location of dominant, low-frequency poles using the time-constant
(TC) technique. The basis of the foregoing approach is that the first
capacitor to short-circuit with respect to its parallel resistance sets the
dominant, low-frequency pole of a circuit. The TC analysis approxi-
mates this dominant pole by looking at every capacitor in the circuit
independently, while all other capacitors are open-circuited, and the
one that produces the highest RC time constant (i.e., first capacitor to
short) corresponds to the capacitor introducing the lowest frequency
pole (i.e., first pole as frequency increases: p, ):

1 1
—_— -~
213 (RC) 2nR C,

i=1

R.C,>>RC;

P, = (3.9)

where N is the total number of capacitors, i is evaluated from 1 to N,
time constant R C_is considerably larger than all other time constants,
and C_is the dominant pole-setting capacitor. Note parallel resistance
R, is with respect to the capacitor and not ac ground, which is why,
when performing this type of analysis, it is helpful to think of one of
the capacitor terminals as “virtual ground” and ac grounds simply as
other nodes in the circuit.

The TC method is even more powerful when applied succes-
sively to determine the location of higher frequency poles. For
instance, applying the TC test to a circuit whose dominant, low-
frequency pole-setting capacitor is short-circuited yields the loca-
tion of the second pole, the next low-frequency pole as frequency
increases. Again, short-circuiting the capacitor associated with the
second pole while keeping the first one short-circuited and apply-
ing the TC approach yields the location of the third pole, the next
pole in the sequence. In general, modifying (and simplifying) the
circuit to accommodate for each successive capacitor that short-
circuits produces new frequency-dependent circuits against which
the TC technique can be applied. This method of approximating
poles is more accurate when the frequency spread between poles is
relatively wide (i.e., p, << p, << ... << p,) because the capacitor
impedances of closely spaced poles affect one another’s time con-
stants and their independent analysis becomes less accurate as a
result.

9
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Small-Signal Response at High Frequency
Base-collector C and gate-drain C_, capacitors have peculiar effects
on gain. To start, relative to their inverting gain paths, C, and Cg,
constitute parallel, out-of-phase, feed-forward paths because, as the
capacitors short-circuit at higher frequencies, they carry more of the
input signal onto its output, but opposite in phase to the transcon-
ductor current. A parallel feed-forward path indicates the presence of
a zero because v receives more of the input signal and therefore
increases in magnitude. An out-of-phase path implies the zero is on
the right-half plane because the polarity opposes that of the main
path, as dictated by the transconductor current. These effects only
occur at higher frequencies, however, when the reversing ac current
through C‘1 or C exceeds transconductor current igm (e, 7, 8, Or
v, &), and during the transitional point, when the currents equal, no
current flows through r or 7, and v_ is consequently zero:

iCu =(v, — vce)sCM =(0p, — O)sCu Eigm =0,.8, (3.10)

8w
REP™ 2 1Cy

where i is the capacitor current, v_ (or v, )isv_, (or zero), and z,,,, i
the right-half-plane zero located at g, /2nC, or g, /2nC in hertz.

Capacitors C, and Cg, also shunt current away from the input
and output, effectively decreasing their respective signal strengths
and instilling shunting effects on the frequency response of the circuit.
Generally, and similarly, because parasitic capacitors to ac ground exist
at every node in the ac path, every node introduces a gain-shunting
pole, which in this case amounts to poles at v, and v_ . Had v been
an ideal voltage source, where its equivalent source resistance R; is
zero (Fig. 3.2), the input pole would have been at negligibly high fre-
quencies, except R, is not zero in practice. The fact is a fraction of the
current steers away from the input through C_ or C_,, similar to the
effects of a shunting capacitor to ground. What is peculiar about this
capacitor is that as v, increases or decreases, because the capacitor is
connected across an inverting gain stage, v_  decreases or increases at
a faster rate so that a small change in v, translates to an amplified
capacitor-voltage variation. The implication of this so called Miller
effect is that a capacitor displacement current has less of an impact on
v, than the physical capacitor would have, had it been connected to
ground. In other words, the effective input capacitance (Miller input
capacitance C,,,, ) is larger than the physical capacitance by approxi-
mately a factor equal to the gain across the capacitor:

S

0. 0.

(v,,—v )sCu (v, —Avin)sC}l

1 v

in _
Cyi -
Miller1 SCMiller.I Ic out

(28 _ 1
v;,(1-A)sC, ~s(1-A)C,

(3.11)
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or
Chytitier. = (1= A)Cu = —ACH (3.12)

where z_, ., . is the effective input capacitor impedance of C, or C,
to ground, i_ is the capacitor current, s in Laplace transforms repre-
sents frequency, and A is the inverting gain across C, or Cg, [e.g.,
=8,(1,[|R.,,,)]- This effect, however, has minimal impact on C s or
Cp’s effective output Miller capacitance C,,, . because changes in
v, . translate to negligibly small changes in v, (since v, is approxi-
mately v ,/A) so no capacitor-voltage amplification results and C, or

C.p, only present its physical capacitance to the output:

Chiller.0 SCMiller o

= = (3.13)
1 S
(”out-—vzf“)scu (17]5(:“ '

or
1
CMiller.O = ]‘_Z Cu = Cp (314)

The total input capacitance C into the base or gate of a basic
CE/CS circuit is the sum of Miller capacitance C,,, . and base-emitter
or gate-source capacitances C_or C_, the results of which are lower
base-emitter or gate-source voltages v, or v  at higher frequencies
and therefore lower ac gain. Input capacitance C  inflicts little to no
effects at lower frequencies, when its impedance is high, but when its
impedance approaches R_ || 7, (or R, in the MOS case), the ac voltage
divider starts to attenuate v, effectively introducing a pole at
1/2n(R || )C or 1/2nRC

1 1 |
ZcaN sCp  SIC,+(1- A)Cu]| S || T ( )

PIN"27 (A, Rllry)

where z_  is capacitor impedance, p,, is the Miller input pole of the
circuit in hertz, and C_; and C, replace C, and C, and r, disappears
(i.e., r_ approaches infinity) in the MOS case. In applying the TC
approach, p, often proves dominant, and because its dominance is
primarily the result of Cp or C (not C_or Ceo), TC analysis dictates
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C, or Cg, short at lower frequencies, before C,, is able to shunt
energy away fromo_ .

At frequencies higher than p,, past the point where C_ or C_,
short, the impedance looking into the collector or drain of the CE /CS
gain stage decreases because C, or C, impresses v, back on the base
or gate, Changing the characteristics of transconductor currenti_ . As
aresult, i is now completely dependentonv,, (ie. i, isv g, ) and
Consequently a function of its own two termmals which has the same
effect as a resistance with a value of 1/g

vout
(3.16)

T

i =0
gm Cu: Short out gm

where r is 1/g . Because connecting the collector and base terminals
amounts to using the BJT as a base-emitter pn-junction diode, the
CE/CS transistor is said to be diode connected at high frequencies.
Loading capacitor C, _,, at sufficiently high frequencies for its imped-
ance to be low, shunts the parallel combination of R o, Or T, 1,
(which is now also present at v in the BJT case),and 1/g, , the latter
of which is relatively low to begin with between 10 Q and 10 kQ. The
pole that results is therefore at relatively higher frequencies, when the
impedance across C_or C, C, ., and effective output Miller capaci-

tance C,;,.,, or approximately C, or C,,; approximately equals 1/g,:

1 11
Zc0=qC4C) . =RLoadIIVDIIanlg—m~g—m (3.17)

PO™ I R(C4Cr )

where Z_ is the capacitor impedance and p, is the output pole
located at g, /2m(C_+ C, ) in hertz—r, replaces r, and r, disappears
in the MOS case.

The effects of C,_or C ;and C, or C, on the degenerated CE or CS
stage are similar, introducing what amounts to a low-frequency input
Miller pole p,, a high-frequency output pole p,, and a right-half-
plane zero z,,. Degenerating resistor R increases the input resistance
of the CE case and decreases the inverting gain of the amplifier (i.e.,
reduces the Miller effect). Of these two effects, the latter may have
more impact on p, than the former if source resistor R; were to be
lower than the degenerated input resistance, pushing p, to higher
frequencies (now that C, is also low). At higher frequencies, in the
output, neglecting the effects of 7, and r,_ because they are substan-
tially higher than 1/g , R is in series with the now 1/g _resistor, pull-
ing p,, to lower frequencies. Because the effective transconductance
degenerates with R, R also pulls z,,,, to lower frequencies. In practice,
however, degenerating resistor R is normally low relative tor , r, and
7,, and its effects on frequency response are not as pronounced.
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8m Pet—-

1 +Rg,

G, [dB]

2G

Frequency [Hz]

Ficure 3.6  Frequency response of the degenerated CE/CS transistor’s
transconductance G,, in the presence of a degenerating capacitance.

The parasitic capacitance (C,,,) present across degenerating resis-
tor R can also affect the circuit at frequencies of interest through degen-
erated transconductance G,, but only if the impedance it presents is
sufficiently low with respect to R (i.e., C,,, is large) to steer current
away from R. In qualitative terms, G,, increases when C,,, starts to
shunt degenerating resistance R, as shown in Fig. 3.6, past pole p_:

Zepar = sC. =R (3.18)

Transconductance G,,, however, ultimately reaches its nondegener-
ated state of g (and flattens with respect to frequency) when para-
sitic impedance 1/sC,,, is negligibly small with respect to R, past
pole p.. The location of p corresponds to how much frequency must
traverse to increase low-frequency degenerated transconductance
G,, s lor roughly ¢ /(1 + g R)] to its nondegenerated target of g (or
roughly ¢ ), and because gain increases linearly past zero z_, p, is

8,/ G,y times higher than z_:
27s
= GM.LF[ Z ]
G
Pc

Gy, =GMLF(1+@J
: Z
Replacing degenerating resistance R with the parallel combination of
C,,z’s impedance and R also reveals the location of the aforemen-
tioned zero-pole pair:

=g, (3.19)
_8m%c

'M.LF

f>>z¢

gm gm

M
1 R
1 R||——| 1 S
+g’”( I sCPARJ +g’”(1+sRCPAR]

27s 2ms
G 1+— G 1+—
gm (]‘ + SRCPAR) ML ( ZG ] MLE ( ZG J

= (3.20)
sRC 2ns( G 27s
1+g,R)|[ 1+ —=LAR- 1114 222 ZMLF 1+—
s ){ (1+g,,,R)H " ( & H [ ch

G

9
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Note this zero-pole effect is more prevalent in MOS devices when
bulk and source terminals share a common node because the para-
sitic bulk to substrate capacitance in welled MOS devices can be
substantial.

3.1.2 Common-Collector/Drain, Emitter/
Source Voltage Followers

Common-collector (CC) and common-drain (CD) circuits have their
collectors and drains tied to low-impedance points (i.e., ac grounds),
as shown in Fig. 3.7a. Since collector and drain currents only flow
through collector, emitter, drain, and source terminals, bases and
gates are poor outputs. As a result, emitters and sources, the only
plausible output terminals in CC/CD configurations, are outputs.
Similarly, because collector and drain currents are strong functions of
base and gate voltages, and because they are the only other terminals
available, bases and gates are inputs.

Large-Signal Operation

Unlike their CE and CS counterparts, their output voltages are low
when their input voltages are low, and vice versa, which means they
are noninverting in nature. The input voltage at which the output
starts to rise (V,,) in the n-type CC or CD configuration shown
corresponds to the dc base-emitter or gate-source voltage V or V
necessary to sustain load current I, , where V, is approximately
0.65-0.8 Vand V, the sum of |V, | and V., which can be 1-1.5 V.
Because of the same reason, the maximum output voltage of the circuit
is below the supply by a V, or V (e.g., 0.65-1.5 V). Minimum out-
put voltage VOUT(min), on the other hand, corresponds to the CC or CD
transistor being off, at which point no current flows and the biasing

Vbp

Q—{ our| _ Vourma~ Ve Ve _
VIN Vin ) !
> >ol
o I
Vout Vout t | w e Vino Vour) )
= | =
RIS =l
lIBias El £
5| ' 3 Ei

. 21

Ve > VeEmin VBiSl)S—{ Vbs > Vbs(sar SR ‘ |
f | Small-signal :
‘\ f - variations |
| X

Assume ideal J_ ] e
current sources (g, = 0) I source in triode

(@ (b)

Ficure 3.7 (a) Common-collector and common-drain emitter/source followers and
(b) their representative large-signal response.
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transistor, while entering the triode region, pulls v to its supply
(€-8/ Voutmin 18 Z€10 in the case shown).

Small-Signal Response at Low Frequency

As in the CE/CS case, an analog designer usually biases the CC or
CD transistor in its high-gain mode (i.e., forward active or slightly
saturated for the BJT and saturation for the MOSFET), where the cir-
cuit has the highest gain. In this case, however, the range of V  and
Vo for which the gain is relatively high and consistent is wide, as
can be appreciated from the large-signal response shown in Fig. 3.7b.
The driving reason for this wide linear range is that the gain is close
to unity, since v, and v, remain unchanged at whatever voltage is
necessary to sustain bias current I, throughout most of the v, range.
This unchanging voltage, for all practical purposes, amounts to a dc
offset voltage between base and emitter or gate and source, in other
words, a battery with no signal-gain characteristics between v, and
Uy Which is why these circuits are more commonly known as emitter
and source followers.

Replacing the CC and CD transistors with their respective small-
signal equivalent models, as shown in Fig. 3.8, provides a more accu-
rate means of predicting the voltage gain of the circuit. Before start-
ing, though, it is helpful to realize the current flowing through the
bulk-effect transconductor is proportional to its own two terminal
voltages so a 1/g_, resistor can represent its effect:

R — vout — 1

gmb / =
lgmb Uout&mb 8mb

[

out

(3.21)

where R is the equivalent small-signal resistance into transconductor
3.~ Ultimately, the output voltage is the ohmic voltage drop across the

(@ (b)

Ficure 3.8 Small-signal models of (a) emitter and (b) source followers with their
respective source- and load-equivalent circuits.
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parallel combination of output resistor r orr,,1/g_,,and R, caused

by transconductor current v, g orv g ,resulting in a low-frequency
e gsOm’

voltage gain A , that is slightly below unity:

1
| e 5
A Evout — vout — § g (d rod gmb
Vo Uin Z)gs—’—vout 1
Ugs + vgsgm rds || RLoad || g_b
1
AL
= m‘; ~0.7-0.9 (3.22)
1+, T IR g | =
8m( ds | Proad g

where the gain corresponds to the MOS source follower. In the case of
the BJT, bulk-effect resistor 1/g,, disappears, v, and r, replace v, and
7,, and an additional base current equal to v, /r, flows through

7. || R, but because r_is B times larger than 1/g, , the gain relation-
ship is similar:
! R
v ) Uhe gm+r_ (rn “ Load)
A = _out _ out — T
VO© o o, 40
in b

e ou 1
' z)be +vbe [gm+r_)(ro ” RLoad)

T

gm(ra ” RLoad)

=~ 29T - =(0.9-0.99 3.23
1+ gm(ra ” RLoad) ( )

Because the bulk effect is absent and the transconductance of BJTs is
higher than MOSFETs, given i.’s exponential relationship to v, the
emitter follower gain is closer to unity than the MOS counterpart.

The small-signal circuit of the emitter follower for the analysis of
its input resistance is the same as that of the emitter-degenerated CE
case, except the series degenerating resistor is now the parallel com-
bination of R, and r, whose collective effect increases the input
resistance of the circuit:

R =Yn_Yatlr _ it +(1+B)i,(Roadll?,)
IN | ib i
mn

= rﬂ:+ (1 + B)(RLoad“ru)
b

(3.24)

where the total current flowing through R, ||, is base current i,
and collector current i_or Bi,. Again, as in the CS case, the effective
degenerating resistor has no effect on R in the CD circuit because
the resistance into a gate is already infinitely large.
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The output resistance of the CC emitter-follower circuit (R_,) is
the parallel combination of R, .o 7, the series combination of r_and
source resistance R, (since i, is zero when determining R ), and the
equivalent resistance into the transconductor (Rgm), the latter of which

is a base-degenerated version of 1/g_(since R, degenerates v, ):

v v, v, r +R. r +R 1
R7m =—¢ = e — e __n S _n S > (325)
8 lgm _Ubegm vgrn rﬂ: gm B gm
r.+ R m

R, reduces to 1/g  if R, is moderately low, which may not be the
case. All the same, R__ remains relatively low because B is large, so
R, simplifies to R, as R ’s impedance is for the most part consid-
erably lower than the other parallel resistances:

Royr = Ry 17, 1 + R (| Rg = Rg = =2 (3.26)

rTCgﬂ’l gm

Output resistance R, for the MOS case is similar, except the series
combination of r_and R, and their degenerating effect on 1/g _ dis-
appear while bulk effects appear as another parallel resistance (i.e.,

1/gmb):

1 1 1
rOUT :RLOad ||ra ||g_n'\b||g_ng_m (327)
where ¢ _ is considerably smaller than ¢ by a factor of 10 or so. In
spite of the seemingly lower R . for the MOS case, given r_and R, no
longer have a degenerating effect on1/g, , R, is often larger than its
BJT counterpart because its g is normally smaller than the BJT’s.
Note the low output impedance of the follower circuit, in general, is
one of its most appealing features.

Small-Signal Response at High Frequency

Because every ac node has parasitic capacitance to ground, incoming
signals lose energy to what amounts to poles at the base (or gate) and
emitter (or source). What is perhaps not as apparent at first glance is
that C_or C_, feed-forward an in-phase signal from v,_to v_,, intro-
ducing a left-half plane zero to the mix. As before, the feed-forward
path implies a zero and, because it is in phase with 7 _and g currents
and helps r_and g, drive v_, the zero is relatively benign and on
the left-half plane. The effects of the zero are nonetheless felt when
the current through C_or C (i.e., i) supersedes the combined
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contribution of g _(i.e., i) and r_(or base current i,), when i_ equals
oon b C
and exceeds the sum of i, and Lim

. . 1
_8m = lgm + Zb = vbe [gm + r_j = Dbegnl (328)
2nCr T

where left-half-plane zero z, , reduces to g, /2nC_because base cur-
rent i, is p times smaller than v, g .In the MOS case, v, and C, replace
v, and C, Cyadds to C,_, and the effects of 7, dlsappear (1 e,r is
infinite), reducmg Zptog,/2nC

The pole associated with the input (i.e., base or gate) occurs when
the effective parasitic capacitance at that node steers (or shunts) cur-
rent away from the resistance present, and C, orCg, Cp or C,, and
C,.q0or C _ + C. all have an impact in this. In fact, similar to the
increasing effect R, has inR of the emitter follower (i.e., Ry is7 in
series with (1 + B)R, ), impedance 1/sC, , increments 1/sC_or 1/

Load’” Load
sCs by (1+B)/sC, .
1n c (1 + B) in.c
1 Z;in c Z)r\: c + ZJout c SC SCLoacl
Z. = =t = RO < = -
SCIN BE 1in.c lin.c 1in.c
_ 1, a+p B (3.29)

S(:n S(jLoad SCLoad

which means the input capacitance associated with the base-emitter

path (C ;) is the series combination of C_and C,__,/(1 + B):
C 0a C 0a.
Cinpe =C, ©—2¢ 1L+§ C, @LTd (3.30)

where z_.is the capacitor impedance and lower case ¢” in the subscripts
implies only capacitive effects are taken into account. Considering j3 is
on the order of 100, C,_,/(1 + B) is often (but not always) smaller than
C,and C . therefore reducesto C,__,/ B. As aresult, Cu orCand C ..
together attenuate v, when their collective impedance 1/sC  nears the
resistance at v, , the parallel combination of R, and R:

1 1 |

Z= =

C sChy C
Load
S Cu+(cn®_1+[3]

=R; I Ry =R; I [Tn +(1+ B)(RLoad I rg)] (3.31)

1

[
27(Rg[IRpy ){c)l +[cn@ %ﬂ

PN
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When source resistance R, is large, as when driven by a transcon-
ductor, the pole is at relatively low frequencies, and vice versa, when
driven by a voltage source, the latter of which is less often the case
in ICs.

In the MOS version of the circuit, similar effects occur, except R
is infinitely large, Cqp, replaces Cu, C replaces C, C, adds to C,__,,
and effective current gain B is infinite at dc and decreases with
decreasing C_ and C_, impedances (as frequency increases):

Iy Iy ~ 8(Cgs +Cop)

i, 0g8u \5Css+Cep) "™ g, (3.32)

=1~
l

B MOS

Normally, the current gain attenuates the effects of C; , and C,
to the point where C_ or C, is considerably larger than the 1/
or 1/B,,s translation of C,_, and C, and Pin reduces to
1/2n(R, || R\)C, or 1/2nR.C., neither of which is at negligibly
high frequencies with moderate-to-high source resistances. Note
C, or C, decreases impedance Z with frequency, giving Z  a
capacitive quality.

Finding the location of output pole p,, is not always straightfor-
ward because source resistance R, in emitter followers may be large
enough to increase R, considerably beyond normal 1/g  levels,
somewhat obscuring the conclusion that p, must, by default, reside at
high frequencies. Additionally, as C_or C_ short and small-signal base-
emitter or gate-source voltage v,  or Vs decrease with increasing fre-
quencies, transconductance current i “and consequently the voltage
gain A across the stage decrease. This ‘decrease in I» incidentally, also
amounts to an inductive effect on R, because it catises output imped-
ance Z ;. to increase with frequency. In any event, when R islow, R .
is alsolow and p,, is at high frequencies, and in the case R, is high, input
pole p, precedes p_ and the equivalent source impedance at the input
is still low at higher frequencies, which means, irrespective of R,, Z, is
low by the time p,, asserts its influence.

With respect to p,, equating source impedance Z, to zero and
applying the TC method reveals, when referring to the OCTC equiva-
lent circuit shown in Fig. 3.9,C_or C;and C,_,or C _ + C, together
shunt ac signal energy at v_, to ac ground. To determine the equiva-
lent resistance these capacitors short, as a visual aid, the figure decom-
poses transconductance component v, g into its constituent parts:
v,8,,and —v ¢ , which reduce, respectively, to (0)g, and v_ ¢ with the
latter directing its current to ground, like a 1/g,_resistor. The equiva-
lent parallel resistance to C_or C;and C,_, or C . + C, is therefore

the parallel combination of r_ (in the case of a BJT), 1/g, ,r orr,, R

ds” ~ “Load”
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Figure 3.9
Time-constant (TC)
equivalent circuit
for ascertaining
output pole p, (the
time constant
associated with C_
and C__, in the CC
emitter follower
circuit).

and in the case of a MOSFET, 1/g_,, introducing a pole at approxi-
mately ¢ /27(C_+C, )

1

_ 1
ZC_EE::EZ;J =r. |—Ilr, IR

~—om m
0 21(Co+Cpoaq)

(3.33)

Load

where z_ is the impedance across the capacitors. From an algebraic
standpoint, with respect to A, while C_or C_ alters the forward
transconductance of the follower (alongside g, and 1/7, or simply g ),

C, .., affects the load (with 7 and R, ):
1 1
+sC_+— R —
_ vom B Uom Ube [gm § b4 rn)(ru ” Load ” SCLoad]
N Uin vbe + Z)out 1 1
Vpe + Vpe (gm +sC_+ rn)(ra IR g ll SCL%J
€+ SC| 1 1R o [l =
_ gm T 0 Load SCLoad _ (gm+scn)
1 1+sC, . (r IR, ..4)
1+(g,, +sC)| 1, [ R, Load 0 ©Load” |4 (¢ +5C,)
gm ( “ Load “ SCLoadj |: 1,0 ||RLoad gm
1 sC
al 7o I Ry oa ||—] 1+ "J
_ (g, +5C,) ¢ ( et e N3,
1 1
[70 R + gmj +5C, .4 +5C, {1 +s(C, +C, d)(ro IRy oaq ll g—mﬂ
A, (l + SC“] A, (l + SC“]
- S - L (3.34)

- C +C
[1+S(CE+CL0ad)(rO||RLoad||giH {“S( ng Load)}

m
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which shows p,, is independent of R, and a function of both C_(or C,)
and C,__, (or C ,and C), falling atg /2m(C_+ C, )org /2rn(C_+
CLoad + CBS)'

Note output pole p, precedes zero z, ,, because the capacitance
associated with the former is incremented by C, , while the resis-
tance is the same (1/g, ). Nevertheless, when lightly loaded, the pole
and zero may not be far from one another, which means they tend to
cancel and collectively produce little to no noticeable effects on the
frequency response of the circuit. Even if C,__, is higher, though, p,
remains at relatively higher frequencies because Z is relatively
low, which as before, but now within the context of frequency, is one
of the most important features of this circuit: wide bandwidth.

3.1.3 Common-Base/Gate Current Buffers

The common-base (CB) and common-gate (CG) circuits have their
bases and gates tied to ac ground, as shown in Fig. 3.10a. Because col-
lector and drain currents are strong functions of base-emitter and
gate-source voltages, respectively, and weak functions of collector
and drain voltages, bases, emitters, gates, and sources are good inputs
while collectors and drains are not. As such, the only other input
available in a CB or CG circuit is its emitter or source. Similarly,
because gain current flows through collectors, emitters, drains, and
sources and emitters and sources are already assigned in CB and CG
circuits, collectors and drains are the only outputs available.
Although voltage-gain characteristics may describe the behavior
of the CB/CG circuit, its current-buffering features are apparent
because any current pulled or pushed into the emitter or source ends
up flowing through the collector or drain (or most of it, in the case of
the BJT, as a minuscule portion is lost as base current). In any case,

Assume ideal
current sources (g, = 0) vout

J \ VDD VOUT(max)

(Bias: Vour)

O—{ ! Small-signal
| .
VBias VBias X variations

|
Yourt Yout 3 I 1
CG =3
|
|

Ve > VeEmin VBSS—{ Vbs> Vpsay ¥ OUT(min) .
i i
l N l N

(@ (b)

i
INaow IN(high)

Ficure 3.10 (a) Common-base and common-gate current-buffer circuits and
(b) their large-signal response.
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applying a voltage to the emitter or source sets the base-emitter or
gate-source voltage of the CB/CG transistor, given a bias base or gate
voltage, and defines, as a result, its effective input current i . In prac-
tice, however, since emitters and sources present low resistances, as
seen from the output resistances of CC/CD emitter/source followers,
emitters and sources are good input current points, and because emit-
ter and source currents roughly equal collector and drain currents,
respectively, CB and CG transistors are also good current buffers.

Large-Signal Operation

In the case of a resistive load, pulling more current from the input
terminal of a CB/CG current buffer pulls current through its load and
decreases its terminal voltage, and vice versa. The response for a current-
source load is no different, except the loading resistance is larger and
its dc current bias (I ) offsets its midbias point, as shown in the
large-signal response of Fig. 3.10b. In other words, when the dc por-
tion of pulling current i (i.e., I ) is greater than I, I, overwhelms
I, and pulls dc output voltage V,,;, low to within a minimum BJT

collector-emitter (0.2-0.3 V) or triode MOS drain-source (I R, ..)
voltage from emitter/source voltage V', which is below base or gate
bias voltage V,_ by only one V, or V. On the other hand, if I  is
less than I, IB.a overwhelms Iy and pulls our to within a minimum
BJT collector-emitter or trlode MOS drain-source voltage from the
positive supply. Only if I equals I, does the circuit balance and

Vur is able to reside between the supply rails.

Small-Signal Response at Low Frequency

The high-gain mode for this circuit is when the CB/CG transistor and
its load are slightly saturated or in the forward-active region (or in sat-
uration for the case of the MOSFET), which occurs when the dc portion
of input current i, equals biasing current I, , as shown in Fig. 3.10b. At
this point, small changes in i (i.e., i) cause relatively large ac varia-
tions in v, (i.e., v, ). Note that pushing more current into the emitter
or source, which amounts to decreasing i, as defined in the n-type case
shown in Fig. 3.10a, causes an increase in output voltage, which is why
the CB/CG circuit is said to be a noninverting circuit, much like the
CC/CD emitter/source follower and unlike the CE/CS amplifier.

To ascertain its small-signal characteristics, it is useful to replace
the CB/CG transistor with its small-signal model, as illustrated in
Fig. 3.11. To start, input resistance R is the parallel combination of r_
and the equivalent resistance seen into the transconductor and out-
put resistance r, (i.e., Ry):

Ry =7l R (3.35)

where r_disappears and r, replaces r, in R, in the MOS case. Note,
however, referring to Fig. 3.10g, if v, were ac-grounded, R would
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mimic the output resistance of the CC/CD follower and R, would be
the parallel combination of 7, 1/g , and r, whose total resistance is
relatively low at 1/g . In the case of the CB / CG stage shown, however,
there is a series resistor (i.e., R, _,) between the collector/drain and ac
ground, and if this resistance were infinitely large, so would REQ, given
that it is in series and there is no other current path to ac ground avail-
able for Ry, current. As a result, considering input voltage v, is

v, =, —v,8), i, R (3.36)

in in~ ‘Load

R, ad loads the transconductance current and equivalent resistance
R, is aloaded version of 1/g, :

EQ
EMJ
Zfi _ 1+gmro — 1’0 + RLoad > i (337)
1

R -
lin 1+gmro gm

EQ

where 7, replaces r, and the sum of ¢ _and bulk-effectg,  (ie., g +g )
replace g, in the MOS case, the latter of which results because g, and
8., are in parallel and under the control of the same variable (i.e., v, ).
Note that using a loading resistor equivalent to  or r,, which is rea-
sonable, considering it represents a nondegenerated CE/CS transistor,
reduces R, and consequently R to approximately 2/g, ,

= (3.38)

which is still a relatively low value. A degenerated CE/CS transistor
load may on the other hand increase R, to larger values, tor, _orr,,
for instance, if the degeneration resistor is another CE/CS device:

— ro + RLoad

_ _T +8,.5, 7)) _8ulolx
Qo T+g 1

1+ Sl 8

~r.  (3.39)

R Loaq=8mo(rzllr)

The output resistance of the CB/CG current buffer is similar to
the degenerated CE/CS amplifier, being that both outputs are collec-
tors and both circuits have a degenerating resistor. In the CE/CS case,
v, is ac-grounded to null out the effects of the input on output resis-
tance R, because v, s effects are already accounted in transconduc-
tance G,,. In the CB/CG case, i__ is open-circuited to null out its effects
on R, but source resistance R, remains. As a result, in determining
R,y and consequently open-circuiting i, and ac-grounding v, in the
CB/CG and degenerated CE/CS small-signal equivalent circuits of
Figs. 3.3b and 3.11, respectively, their resulting circuits equal
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Ficure 3.11 Small-signal models of the (a) common-base (CB) and (b) common-gate
(CG) current buffers.

(i.e., degenerating resistor R in Fig. 3.3b is source resistance R, in
Fig. 3.11) and so do their R ,,’s:

_ 0 _ (lout - vgsgmAeff )rds - vgs

| out
OUT|; —og ~ ;5 .
i,=0 Lot Tout

R

(Rl (& i )ras TR
_ Nout Stoutd m.eff/'ds S'out _
- =T +R5(gm+gmb)rds +RS

Lout

= RS(gm + gmb) rds (340)

where v, , ¢ ,r,and r_in parallel with R, (i.e., 7 || R,) replace Uy &
(ie., g,+8.5) "4 and R,, respectively, in the BJT case.

The gain of the current buffer takes one of three forms: current,
transresistance, or voltage gain. As a current amplifier, input current
i, splits between R, and the CB/CG transistor, and in the CB case, r,
further steers current away from the output. As a result, the current
gain through the CB/CG transistor is the ratio of the fraction of cur-
rent that reaches the collector/drain terminal and the current driven
into the circuit. In other words, input current i induces an ohmic
voltage drop across the parallel combination of input resistance R
and R, whose ultimate effect is to vary v, or v, and therefore incur a
variation in current that is equivalent to a g, translation:

A :io_utz vﬁ io_ut ~ iin(RS ||RIN) Uingm
0 iin iin Yin iin Uin

= (Rs I RIN)gm 1 =1 (341)

Rin=—<<Rg

m.eff

m
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which is approximately one when R is approximately 1/¢ and con-
siderably smaller than equivalent source resistance R,. Its output
voltage v_ is the ohmic drop across loading resistor R, , caused by
i, (.e., fraction of i thatreaches the output) flowing through R, so
its transresistance gain A is the product of the loading resistance of
the circuit and the fraction of input current that reaches the output:

Z]Ou iOu U ou R 0a || R
), .
in in out out
= (Rs 1R )8 (Rpgaq | ROUT)|R ~_<<R = Rigaa lRour  (3.42)

Although less appropriate for the circuit, given its relatively low
input resistance, the voltage gain of the circuit, when considering a
Thevenin equivalent input source v’ (i.e., v, "is i, R,), is the product
of the voltage gain from input source v, ’ to the emitter/source termi-
nal of the circuit (i.e., v, ), which is a voltage divider, and the gain

from that point toi  and thentoov_:

:vout _| Oin Zo_u'c vout ~ RIN mgm
AVO - vi/n _[Uiln][vinJ[ioutj [R +R ]|: Uin :|( boad ”ROUT)

R
= (ﬁ] 8 uRogaa Il Rour) (3.43)

where 7, replacesr and g + g, replaces g in the MOS case.

Small-Signal Response at High Frequency

Capacitor C_or C introduces a signal-shunting pole, as it steers cur-
rent away from the input of the CB/CG current buffer at higher fre-
quencies. The resulting input pole p,, occurs when the capacitor
impedance is near the total resistance at the input, which is the paral-
lel combination of R, and R :

1 +R,) 1
Zc:_ —R HRIN—R ”T’n” & =
5Cr L 1+g.1 ) 8
PN 2mCARelRin) 27Cx
(3.44)
where Z_ is capacitor impedance, R, || R is normally low, p, is typi-

cally at high frequencies, and C 4+ C and r, replace C_and r and r,
disappears in the MOS case. Note however that as C or C s+ Cis
short-circuitathigher frequencies, transconductor currenti decreases
(ie., v, or v decreases) and R consequently increases, introducing
an inductive effect: impedance increases with increasing frequencies.
Source resistance R,, however, limits this effect because it eventually
dominates the total impedance at the input (when R || R, = R,).
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Although three capacitors exist in the circuit (Fig. 3.11), C}1 or Co
and C,_, are in parallel and therefore conform to one. The effect of
this collective capacitance is to steer current away from loading resis-
tor R, _, and consequently decrease output voltage v_ . The resulting
output pole p, occurs when the impedance across C, ,and C, or C,
equals the total resistance connected across their respective terminals,
which amounts to the parallel combination of R, and R ;;:

1
P —
S(CGD + CLoad) _ 1 1
Po 21(Cip+Croad(RioadllRout) 27(Cop+Croad)Recad
= RLoad IIROUT = RLoad ” [Rs(gm + gmb) rds] = RLOad (345)

where Z _is capacitor impedance and Cu, 8, 1, (in parallel with R,), and
7 replace Coy 8t 8oy R/ and r 4 respectively, in the BJT case. Because
R, is relatively large, R, _, often dominates, but not necessarily.

3.1.4 Summary

Table 3.1 summarizes the different characteristics of the three single-
transistor amplifiers shown and discussed. In general, the CE/CS
circuit is mostly used as a voltage or transconductance amplifier, the
CC/CD follower as a low output-impedance voltage follower, and
the CB/CG buffer as a current buffer or transimpedance amplifier.
The CE/CS configuration yields the highest output voltage swing
and the CB/CG the lowest, as determined by the base/gate bias

CE/CSV cc/cbv
Amplifier Follower CB/CG | Buffer
Main Use Voltage gain Voltage buffer Transimpedance
Transconductance gain Current
gain buffer
Vour Swing High Moderate Low
Gain Ay = A, = A, =1 A/A,
-G (R, IIR.) +0.75-1 V/V Ap=+R_ .,
R High Low High
R Moderate-high High Low
Output Pole p, Low-high High Low
Input Pole p,, Low-moderate Low High
Peculiarities Right-half-plane Pole/zero pair Z, is inductive
Zero Z,,; Is inductive
Z, is capacitive

TaBLe 3.1 Qualitative Comparison of Single-Transistor Circuits
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voltage of the CB/CG transistor. The CE/CS circuit produces a high,
but inverting voltage gain, whereas the follower and current buffer
are noninverting in nature. Ultimately, irrespective of connectivity,
the emitter and source terminals tend to have the lowest resistances,
defining, as a result, high-frequency poles. Because C and C_ in the
CE/CS configuration introduce out-of-phase feed-forward paths to
the output, they also introduce right-half-plane zeros. Capacitors C_
and C, in CC/CD followers, on the other hand, introduce in-phase
feed-forward paths to the output (i.e., left-half-plane zeros) that offset
the effects of their respective output poles (i.e., p,). With respect to
emitter /source impedance, C_and Ces also exert a polelike influence
on transconductor current i because they shunt v, and v, which
meansi__decreases and 1/g increases at higher frequencies. In other
words, the influence these capacitors have on 1/g, in CB/CG buffers
produce an inductive effect on Z  in the same manner they do on
Z .,y in CC/CD followers.

In determining the gain of any circuit, when decomposed to its
constituent single-transistor stages, it is helpful to view the circuit as
a series of impedances through which collector/drain currents flow.
Generally, transconductor collector/drain currents depend on base-
emitter /gate-source voltages, and the manner in which incoming sig-
nals (i.e., voltages or currents) reach the base/gate terminals deter-
mines the nature of that voltage. As a result, the product of the
resulting current and the total impedance at any point determines its
voltage and the ratios of the resulting voltages and /or currents repre-
sent the respective gains of the circuit.

Figure 3.12 illustrates a graphical summary of all small-signal
impedances present in a transistor circuit and their corresponding
currents, including the v, - and v_degenerating effects of imped-
ances in series with the emitter/source and base/gate terminals on
transconductances and input/output impedances. Although the
gate-source resistance of a MOSFET is infinitely high, C_, presents
gate-source impedance Z_ so the figure includes the effects Z . has
on the rest of the circuit. Incidentally, including Z_; in the model
(except for bulk effects) equates the small-signal relationships that
describe the small-signal behavior of bipolar and MOS transistors.

Just as series emitter and source impedances Z, and Z, degener-
ate ¢ when driven from the base or gate, Z, and Z_ also degenerate
g, when driven from the emitter or base because, as with emitter and
source degeneration, only a voltage-divided fraction of the input
voltage remains across the base-emitter or gate-source terminals. Z
does not degenerate bulk-effect transconductance g _,, however,
because g_,’s resulting current is independent of the gate voltage,
which means g, sees the entire source voltage and not a fraction of it.
In any case, although the exhaustive summary seems a bit over-
whelming, it is a succinct reminder of the degenerating and loading
effects of impedances in the circuit on various performance parame-
ters. The figure becomes even more practical when used in parts, that
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. VbEm I
e=Voe8m=——" - = Velm ZT
1 T B
1+ [gm + Z] ZE

Zc

Zn+ (1 + g2 Zg rro +[Zp || e+ Zp)lew 7o+ [Z5 || (2 + Zp)]

L(zn+ZB)||[ ry+Ze ] G

l+g,'r, Zn+Zp

iy=v +v = U =—v Gk s +
d= gsgm bs€mb = 1+(gm+gmb)ZS ="Vg ZGS+ZG 8mb
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Ficure 3.12 (a) NPN and (b) MOS transistors and their respective
impedances and currents.

is, when (1) first analyzing low-frequency response and simplifying
all impedances to resistances; (2) applying technology- and circuit-
specific assumptions such as r_is considerably greater than1/g ,¢ .
disappears when source and bulk terminals are short-circuited, and
so on; and so forth.

A relatively straightforward approach of ascertaining gains
across a circuit is to decompose the signals into their current and
impedance equivalents and calculate the ohmic effects of the former
on the latter as incoming signals traverse through the circuit. Con-
sider transistor Q, in the CE gain stage shown in Fig. 3.13 and the
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Ficure 3.13 Vbp
Illustrative example
on the application of
the impedance and
transconductance
summary offered in . VouT
Fig. 3.12 to l’
determine the
constituent currents VIN
and voltages that
make up the various
gains of the circuit.

VBias.p

effects of source resistance R,, degenerating transistor M, and load
M, on low-frequency small-signal voltage gain A, or v_ /v, . First,
voltage divider R.-R attenuates incoming small-signal input volt-
age v, and impresses its result on Q, as base voltage v,. This voltage,
in turn, modulates collector current i via Qs degenerated transcon-
ductance G,—note R, or M’s r,  degenerates Q,’s g . Finally,
Q, pulls i from the equivalent output resistance present at v (i.e.,
collector voltage is negative), where the resistance is the parallel
combination of R, or M,’s r ,, and Q,s R. As a result, overall low-
frequency, small-signal voltage gain A, or v_ /7, is the product of

the gains fromv._ tov,, v, toi,andi tov_ :
in vV "b [ ¢ out

Dot _ [ P || e} Poue | o[ Ren
Zin _(Umj[%J( I J_[RS+RINJ( GCu)R, [[Ro)

_( r.+(1+B)R, j -8
\Rs+7, +(1+P)R, 1+[g +ljR
m r D

K

out

X (R, [H(ry + RO Rp1+7, + g, [(r, + RO | Ry I, b
~ BRD _gm
- [RS +BRDj[1+gMRDJ(RL g, [(r + RN Rp I, 1)

- (1)(%)@ - —[ﬁ] (3.46)

D T4s.D

assuming P is much larger than one, BRD overwhelms r_and R,, and
R, is considerably smaller than R, which are all reasonable but not
always necessarily so.

m
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3.2 Differential Pairs

A differential pair is an emitter/source-coupled pair of transistors, as
illustrated in Fig. 3.14a, with a tail current source tied to their common
emitter/source point, the purpose of which is to force the sum of the
currents flowing through the transistors to remain constant. Because
there are two transistors and two currents, there are also two collector/
drain output terminals. The average of the signals present at the
bases/ gates of the transistors constitutes the common portion of their
respective inputs (i.e., common-mode voltage v.,,) and the difference
the differential part (i.e., differential voltage v ). Differential voltage v,
splits equally between the input terminals: the positive half (i.e., 0.5
v,,) to one and the negative half (i.e., —0.5 7)) to the other.

Because the intrinsic inputs are voltages and outputs are cur-
rents, the differential pair, in its most basic form, is a transconductor
because it converts a voltage into a current. Applying only a common-
mode signal to the differential pair, however, irrespective of its
value, results in equally split currents (at 0.5 I ) because its base-
emitter or gate-source voltages equal (that is, bases or gates are at
., and emitters or sources are tied together). A differential voltage,
on the other hand, induces different base-emitter or gate-source
voltages and results in asymmetric output currents. It is because
differential signals incur variations in the output and common-
mode signals do not that the differential pair derives its name, as it
processes v, and rejects v.,,. This ability to only process differential
signals does not only avail a niche application space for the circuit
but also provides the foundation for rejecting common-mode noise
in a system whose unmitigated effects can negate the performance
and integration density achievements of modern-day, common-
substrate technologies, being that a common substrate is a conduc-
tive medium for noise.

Vbp
—_— ol
3 S
B 5

-0.5vip + vem
|—@ variations
0

0.5vip + vem —0.5vp + Vem

l V%ia—s| lIB““ i (0,0.50g;,0)
3 M 1as.
Veg>03V Vo> Visere, i/
CE /A VSS DS DS(sat) ' '
Assume ideal ~ViD(min) | +VID(max) VID

current sources (g, = 0)

(a) (b)

Ficure 3.14 (a) Differential pair and (b) its large-signal response.
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Large-Signal Operation

An important feature of the differential pair is its constant tail current
(e.g., I;,) because it relates the effects of one output current onto the
other. For instance, applying a positive differential voltage v, (Fig. 3.14a)
increases the output current in one transistor by the same amount
it decreases the current of the other so that, as output current i,
increases, its counterpart i , decreases at an equal rate and by an
equal amount, as shown in Fig. 3.14b. When |v,; | is large enough to
fully steer the tail current (e.g., I, ) through one transistor, the dif-
ferential pair saturates (e.g., I, to I, and I, to zero, or vice versa)
and can no longer incur variations in its output currents, giving rise
to the symmetrical “S” curves shown in the large-signal response of
Fig. 3.14b. This saturation point marks the linear-range limit of the
circuit, that is to say, the maximum positive or negative differential
voltage (V,...,) that produces mostly linear variations in output cur-
rents and beyond which one transistor (and one current) carries all of

the tail current (e.g., I, ):

V. — __tmax) _ “Bias _ IBiaSX/t =2V

DBt = g g 0505 f (3.47)

assuming V,, .. is sufficiently small to be approximated with lin-
ear, first-order small-signal models and V, is the thermal voltage,
which is approximately 25.6 mV at room temperature. Similarly, in

the MOS case, V is approximately

(max).MOS

Ai, I I, )
- (max) ias ias _ jas/ _
VID(max).Mos = q = ; = 2 W = I/\‘} = VDS(sat)
2(0.51BiaS)K'[T) K (Tj
(3.48)
where Vi, vi0s 18 100 mV if I, K, and (W/L) are 50 pnA, 100 pA/

V2, and 50, respectively. Note differential voltages necessarily range
in the sub-milli-volt region, unless the effective transconductances of
the devices are degenerated, as shown in Fig. 3.15, where

Aip Ipins1+ Rg )
_ (max) __ 1Bias m 3.49
‘/ID(max).DEG = g - g 2 ‘/ID(max) ( )

which when using similar numbers and a degenerating resistance of
50 k€, is approximately 2.55 V and 2.6 V in the BJT and MOS cases,
respectively. (Refer to the low-frequency small-signal subsection of a
degenerated CE/CS transistor for a discussion on transconductance
g, and its degenerated equivalent.)
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Ficure 3.15
Emitter/source
degenerated npn
and n-type MOS
differential pairs.

Load

Vss

The differential pair may not process common-mode voltage v,
but arbitrarily extending v.,’s dc value (i.e., V) ultimately forces
one or several transistors in the circuit out of their respective high-
gain regions (i.e., deep into saturation for the B]JT and triode for the
MOSFET), degrading the circuit’s overall gain performance. For
instance, in an n-type differential pair, reducing V., decreases the
common emitter- or source-coupled node voltage (at a V, or V¢
below it), subjecting the tail-current bias circuit to even lower volt-
ages, the extreme of which degrades I, by pushing one or more of its
defining transistors into triode. Similarly, higher V_, voltages pull
the common emitter-/source-coupled node to higher voltages, the
extreme of which, when pressed against the load, pushes one or both
transistors in the differential pair into their low-gain regions (i.e., triode).
As a result, the minimum voltage across the tail current (i.e., V. )

Tail(min)

and the maximum voltage across the load (i.e., V, dmax) limit the

operational input common-mode range (ICMR) of the circuit:

V.

Load(max) -

1% V.

CE(min) + BE(min)

(3.50)

VEE(maX) +V. +V ) < Veu < VCC(

Tail(min) BE(max min)

where V. , for a CE/CS transistor refers to the transistor’s deep

Tail(min

saturation limit Vi . V. . is approximately 0.2-0.3 V,and V.,
V V V

GS(max)” DD(min)” DS(sat)’ and VGS(min) replace VEE(max)’ BE(max)” CC(min)”

CE(miny’ and VBE(min), respectively, for the MOS case. Note worst-case
extremes of V. and V_; occur at the extreme range limits of tail cur-
rent source I _and temperature.

Although connecting the bulk to the source circumvents bulk
effects, doing so exposes the source to common substrate noise, and
connecting the bulk to one of the supplies does not. Tying the bulks
to the supply, however, increases the effective threshold voltage (V)
of the input pair. This increase in V decreases ICMR against the sup-
ply with the tail-current transistor because a higher margin must now
exist between V, and the supply before the tail-current transistor
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transitions into triode. Interestingly, the same increase in V., also
extends ICMR against the supply carrying the load because a smaller
margin must now exist between V,, and the load before one or both
of the differential pair transistors transition into triode.

3.2.1 Differential Signals

Small-Signal Response at Low Frequency

In ascertaining the small-signal ac performance of the differential pair,
it is helpful to decouple differential ac input signal v,; and common-
mode ac input signal v_ . In treating them separately, one is analyzed
and the other assumed zero (and vice versa), and coupled back
through superposition. In the case of differential signals only, v__ is
zero and, because equal but opposite fractions of the differential volt-
age are applied to the input terminals of the differential pair (and tail
current source I, remains constant), output currents i and i, are
also equal and opposite (i.e., i, = =i, and |i | = |i,| = |i]|, as
denoted in Fig. 3.16). The resulting common emitter/source ac volt-
age, which is the ohmic drop across the equivalent output resistance
of the tail current (i.e., R, ), is zero because the net current flow into
R, is zero. Consequently, the common emitter /source node becomes
a virtual ac ground for differential signals. Note, however, this is only

Diff. ac
—
io1 ion
vy
© ©
Diff. ac
@~| |—© o
0.5vp —0.5vp
E
IBias =
N

Fieure 3.16 Differential large- to small-signal equivalent circuit transformations for
(a) npn and (b) n-type MOS differential pairs.
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true for differential signals wherein equal and opposite fractions of
v,, are at the respective input terminals of the circuit.

The small-signal equivalent circuit of the differential pair for dif-
ferential signals reduces to two CE/CS transistor amplifiers, each with
half the input signal. Their respective small-signal parameters equal
because their biasing conditions (i.e., collector/drain currents and
base-emitter/gate-source voltages) and physical properties equal—
both transistors are, by design, matched. Consequently, the differen-
tial gain across each transistor (i.e., A, and A, ), because its base/
gate’s small-signal voltage only has half the input, is half the gain of
a basic CE/CS gain stage:

50.. (- R
U1 _ 0.5v,4( gm)( 01 Il 7o) =_0'5gm(R01 I r) (3.51)

A = ol
Uid Uid

D1

and

Y2 _ —0.504(=g,)Rp, [17,)
v

Ap, =

=0.5g, (Ro, II7) (3.52)
Uid id
where r,_replaces r, in the MOS case. Note the gain can be inverting
or noninverting depending on the output selected so the circuit is
flexible in this respect. Further processing these outputs in a differen-
tial fashion and ensuring their respective loading resistances equal
(ie, R, =R, =R, ) increases their effective gain by two and pro-
duces the same gain as the basic CE/CS circuit:

v v,-0, U, U
A = od = 02 ol _ 02 _ ol =g (R ||7’) (353)

DD Uy vy vy Uy m\""Load Il "o
where A is the differential-to-differential gain and v_, the effective

differential output voltage. In the emitter /source-degenerated case of
Fig. 3.15, the degenerated transconductance replaces g _in the afore-
mentioned gain relationships.

Differential input resistance R, is the resistance across the input
terminals of the differential pair, which is a measure of how much
small-signal input current flows between the input terminals when
applying a differential voltage. Since half the differential voltage is
present across each CE/CS base-emitter terminal, half the current
flows into each base terminal and twice the resistance results, when
compared to the basic CE/CS stage:

R =%d___ Y _o (3.54)
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Because the MOS has no gate current, R is infinitely large in the
MOS case. Similarly, differential output resistance R, is a measure of
the effective current flow across the output terminals of the differen-
tial pair in the presence of a differential output voltage v _,. Because
only half the full differential output voltage v_, is present at each out-
put terminal (i.e,, |v,| = |v,| = |0.50,]), R, is effectively twice
that of the basic CE/CS circuit:

[% U
ROD = i:j m = Z(RLoad || T ) (355)
RO]

where 7, replaces 7 in the MOS case. If only one output terminal is
used (i.e., a single-ended output), its output resistance is that of the

basic CE/CS transistor (R, [|7,or R . ||7,)-

Small-Signal Response at High Frequency

Because the differential pair in differential mode decomposes into CE/
CS stages, its frequency response mimics that of the CE/CS amplifier. As
such, base-emitter C_and Miller-multiplied base-collector C  capacitors
(or gate-source C_, and Miller-multiplied gate-drain C_, capacitors) pro-
duce the effects of a pole at each input. Capacitor C or C, also offer
out-of-phase, feed-forward paths and therefore yield the effect of a right-
half-plane zero through each input terminal. At frequencies beyond
which C s or C.'s effectively short their equivalent parallel resistances,
the output resistance of the circuit reduces to 1/g, because their respec-
tive outputs are now impressed on their inputs (as diode-connected
transistors). Loading capacitor C, , then shunts 1/g , producing the
effects of an output pole at each output terminal. In the case where C s
or C_’s do not short until higher frequencies (when source resistance R
is low), output pole p,, asserts its influence before p, , when the parasitic
capacitance present at the output shorts the output resistance:

1
4 = =7 |IR 3.56
C.PAR S(CH + CLoad) ) 1 0 Load ( )
PO 2R IR ca G Croad)
where Z . is the impedance across the capacitors and C, or ., and

C constitute the output capacitance.

LOAD

3.2.2 Common-Mode Signals

Small-Signal Response at Low Frequency
In developing an equivalent small-signal common-mode circuit for
the differential pair, differential voltage v, is zero and common-mode

17
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—
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© ©
Diff. ac Eq. Ckt.
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Yem Yem Vem Vem
B . < 3
P r.éf & Vs = (2i)Ry
v Ve = io(zRTail)

()

Ficure 3.17 Common-mode large to small-signal equivalent circuit transformations
of (a) npn and (b) n-type MOS differential pairs.

signal v, is alone considered. Because both base or gate voltages equal
and their emitter or source terminals share a common node (and their
voltages equal), their respective output currents also equal (i.e., i =
i, =1). As a result, the small-signal voltage present at their common
emitter/source node is the ohmic drop across tail current source resis-
tance R, induced by said small-signal currents [i.e., (2{ )R ]. Note,
however, the same emitter/source voltage (i.e., same level of degenera-
tion) results from having one output current flow through twice the tail
current-source resistance [ie., i (2R )], as shown in the transforma-
tions of Fig. 3.17. This transformation is useful because it converts the
differential pair into two emitter/source-degenerated CE/CS transis-
tors in parallel, the analysis of which preceded this section.

The small-signal gain across each transistor in the pair is there-
fore the emitter /source-degenerated gain of a CE/CS stage:

v v 1+2R

cm cm

-8
v [—"’ (Roy ll7,)
0 {1+2R aing ol ’
A = ol Tail =—- gm (RQ1 ||1"0)

(3.57)

Tailgm
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where A and A, are the common-mode to single-ended gains and
7, replaces r in the MOS case. Unlike the differential counterpart,
both gains are in-phase so further processing the outputs in a differ-
ential fashion and ensuring their respective loading resistances equal
(ie, R, =R, =R, ) cancels their common-mode gains to zero:

A =led _l2"% Yo Pa_ (3.58)

where A_ is the common-mode to differential gain of the circuit. This
is ideal because the differential output rejects all common-mode noise
present. A measure of how much the differential pair favors differen-
tial over common-mode signals is common-mode rejection ratio (CMRR),
which is ideally infinitely large:

A A
CMRR =222 = 200, o (3.59)
CD

In practice, however, there are mismatches between loading resistors
R,, and R, and the input transistors of the differential pair, resulting in
mismatched common-mode gains A. and A_ and therefore finite
CMRRs. Because mismatches are relatively small in modern-day tech-
nologies, however, CMRR is still relatively high (e.g., 80 dB). Even if only
a single output is processed and differential cancellation at the output is
no longer available, CMRR (or in this case A, /A ) can still be moder-
ately high because common-mode gains A . and A, are emitter/source-
degenerated with a relatively large tail-current source resistance (i.e.,
2R, ), which is at worst on the order of 7, or r,_(e.g., 0.5-1 M Q).

The common-mode input resistance of the differential pair (i.e., R..)
is the parallel combination of the input resistances of two emitter/
source-degenerated CE/CS circuits (i.e., R ), which is half the input
resistance of one and often approximates to BR_; in the BJT case:

R =R =0.5R

IN.DEG | | RIN,DEG IN.DEG

=0.5[r, + (1+B)2R, )] = PR,  (3.60)

and approaches infinity in the MOS case. The output resistance of each

terminal (i.e., R ., and R__) is that of the emitter /source-degenerated

oC1 0C2

CE/CS circuit, except the degenerating resistance is now 2R, which
itself is relatively large to begin with:
Roct =Roca = &4lo @Ry [17) = Br, (3.61)

where 7_disappears and R,
remain high in the MOS case.

and R, no longer reduce to Br, but

19
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Small-Signal Response at High Frequency

The high-frequency response of common-mode signals mimics
that of the degenerated CE/CS circuit, which is mostly a deriva-
tive of its basic CE/CS case. As such, C or C_, introduce a Miller-
multiplied pole at the input and a right-half-plane zero across the
transistors, loading capacitor C, _, constitutes another pole at the
output, and the parasitic capacitance across degenerating resistor
2R, introduces a zero-pole doublet. Because the inverting gain is
lower than the nondegenerated case and the common-mode source
resistance is often low, the Miller-defined input pole often exceeds
output pole p, so the latter asserts its effects at lower frequencies
when the load capacitance and C, or C,, short output resistance
R

Load || ROC:

1

Zorp S
C.PAR S(Cu +CLoad) 1

Po Zn(RLoadHROC)(Cu +cLoad )

=R, 4 IRoc  (3.62)

Note a zero introduced by common-mode gain A (i.e., z,) con-
stitutes a pole in CMRR, which means CMRR degrades past any zero
inA.:

C

cMRR=2p - Apret)

A
c AC'LF(1+%](...)

(3.63)

where A refers to the differential gain and subscript “LF” to low
frequency. Unfortunately, because tail resistance R, is considerably
large and the parasitic capacitance present (i.e., C ) is not negligibly
small, especially in the presence of source-bulk or bulk-substrate
capacitances, degenerated transconductance G,’s zero (i.e., z) is at
relatively low frequencies:

1

C.Tail =
SCrai 1

R S—
G
21R 11 Crail

Il
=

Tail (3.64)

Incidentally, C_, splits in the common-mode equivalent half cir-
cuit, as shown in Fig. 3.18. Also note p,, is often dominant and set by
R, . (e, R, is considerably smaller than R ) in both differential
and common-mode cases so their effects on CMRR tend to cancel and
CMRR still degenerates past z..
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Ficure 3.18
Common-mode
equivalent half
circuit.

Current Mirrors

3.3.1 Basic Mirror

Operation

The objective of a current mirror is to duplicate its input current at its
output, irrespective of the output voltage present. To do this without
errors, two transistors must match and all their respective port-to-
port voltages must equal. However, since collector-emitter and drain-
source voltages v, and v, have minimal impact on collector and
drain currents i, and i, in the transistors’ high-gain mode (i.e., for-
ward active or slightly saturated for BJTs and saturation for FETs), v
and v, need not equal for their currents to match reasonably well, as
long as v,'s and v's equal. For example, short-circuiting the base-
emitter and gate-source control terminals of matched transistors, as
shown in Fig. 3.1a and b, and ensuring their respective collector-
emitter and drain-source voltages are sufficiently high, produce an
output current that is approximately equal to its input:

, v ) v .
i =Igexp [%J(l + Vij = exp(%} =i = lour (3.65)
t t

. W), W), . .
Ip= (TJK (UGS_VT)Z(l + M)DS):(T)K (UGS_VT)ZzIIN ~lout (3.66)

Connecting the input transistor’s collector (or drain) to the base (or
gate) ensures the input current charges the parasitic base-emitter
(or gate-source) capacitance until the collector (or drain) current is

equal to input current 7, at which point the capacitor stops charging
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| VeE > VeE(min) | VDs > Vbssan
(a) (b)

Ficure 3.19 Basic (a) npn and (b) n-type MOS current mirrors.

and v, (or v ) is set. Because connecting the collector and base termi-
nals amounts to using the BJT as a base-emitter pn-junction diode,
Q,and M in Fig. 3.19a and b are said to be diode connected.

This mirror configuration is also useful for amplifying or attenuat-
ing a current by a constant factor because changing the number of
transistors in the input and/or output of the circuit modifies the cir-
cuit’s input-output gain ratio. For instance, using three matched paral-
lel transistors in the input equally splits input current i, into three and
using two matched parallel transistors at the output ensures the frac-
tional current flowing through each input device (i.e., i, =i /3) flows
through each output device, yielding a sum total of 2i_ or 2i /3, as
depicted in Fig. 3.204. This mirror configuration mimics the effects of
having an input transistor with 3 times the minimum emitter area and
an output device with 2 times the minimum emitter area. The same
idea applies to MOSFETs, except gain is set by width-length aspect
ratios (i.e., W/L), as illustrated in the 2x mirror shown in Fig. 3.20b.

Performance

Important metrics of a current mirror include its accuracy, input and
output voltage limits, input and output resistances, gain, and band-
width. To start, with respect to accuracy, base currents in BJTs subtract
a fraction of the input current flowing into the mirror. In the case of a
one-to-one npn mirror, for example, bases pull and subtract two base

i iour = 2iny/3 in  lour = 20N
© l l © ©
—->
=2x WIL 2WIL
—->
~ <~

Ficure 3.20 Nonunity (a) BJT and (b) MOSFET current mirrors.
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© liOUT iINl © © liOUT

@ liOUT

() (b) (©

Ficure 3.21 Basic npn current mirrors with (&) f-compensating resistor,
(b) npn B-helper, and (c) MOS B-helper.

currents (i.e., 2i,) from input current i ; and consequently cause the

output (which is a collector) to sink a lower current (i.e., iy, < i),

I =i+ 20, =i, [1 + %) =ioyr (1 + %) (3.67)

where i, is the base current into Q,, and Q, in Fig. 3.19a. Slightly
increasing the base-emitter voltage of output transistor Q, with an
ohmic voltage drop increases its collector current, partially compen-
sating for the mirror’s P error, as illustrated in Fig. 3.21a. Since the
collector’s current variation Ai is the result of a small change in
its base-emitter voltage Av,, equating resistor voltage v, to the lin-
ear first-order transconductance (i.e., g ) translation of the error
current (i.e., Ni,, where N is the effective number of bases attached
carrying equivalent input currents) compensates the mirror error to
first order:

Aiyr = Nig =Avgg, = vrg,, = (3R)8,, (3.68)
or
R, = - NV, (3.69)
gm IIN
where [ is the dc value of input current i .

Alternatively, while placing a series B-helper BJT level shifter in
the collector-base connection path, as shown in Fig. 3.2b, decreases
the error current by a factor of B, a series MOSFET (Fig. 3.21c) alto-
gether eliminates it, given the latter carries no gate current. The pur-
pose of the load resistor attached to the B-helper transistor, by the
way, is to establish a bias current that pushes the pole associated with
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that node to high frequencies. In any case, the simplicity of the
B-compensating resistor often offsets its relatively poorer accuracy,
given its resistance cannot easily track or adjust to a changing input
current 7.

As already mentioned, all port-to-port terminals in the mirror cir-
cuit must equal (i.e., all base- and collector-emitter and gate-, drain-,
and bulk-source voltages equal) to produce a quasi-perfect replica of
the input current at the output. The collector-emitter and drain-source
voltages in the basic current mirror, however, do not match, and
although their effects are minimal, they still induce a gain error that
is the result of base-width and channel-length modulation effects:

, Isexp[ﬁj(l+vl—NJ 14 JBE
A = lcour _ Vi Va _ Va (3.70)
1= .
lein Ugg VouT Yout
Ose |14 Dour | 4 Jour
oplSef1-55) 1%
and
W) 2
. — | K'(v-c—V.) 1+ N
4 = lpour _ (L (Vgs=Vr)( N _ 1+Avg (3.71)
Ui Wi, 2 1+ Aoy '
: T K'(0ge=Vr) 1+ Avgyr)

where A, refers to the mirror gain of each equally sized transistor seg-
ment in the current mirror, which would otherwise be 1. For instance,
the v -induced systematic gain error of a basic mirror with its output
at 3 V and an Early voltage V, of 50 V, assuming a base-emitter volt-
age of 0.7 V, is approximately 4.3%, excluding random mismatch
errors between supposedly matched transistors.

The input and output voltage limits for which the mirror main-
tains its prescribed gain is also important. Ideally, the input and out-
put voltages should reach both positive and negative supplies without
significant impact on the output current. However, the input voltage
in a basic current mirror is one base-emitter voltage V or gate-source
voltage V from ground, which can be on the order of 0.55-1.5V,
depending on process, size, temperature, and current density. B-helper
transistors unfortunately increase the overhead by another V,, or V,
unlike B-compensating resistors, which are relatively benign to the
circuit in this respect, albeit with poorer accurate. The voltage over-
head associated with the output is the lowest voltage the output
transistor can tolerate across its collector-emitter or drain-source
terminals without significantly altering its output current, which cor-
responds to deep saturation limit V., . -or saturation voltage V.,
(e.g.,0.2-0.5V).
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Small-Signal Response at Low Frequency

When considering the small-signal gain of the circuit, accounting for
the effects of the source and load is important. Before including these
effects, however, it is best to simplify the circuit where possible. To
this end, Fig. 3.22a illustrates the complete small-signal equivalent
circuit of the basic npn current mirror shown in Fig. 3.192 and
Fig. 3.22b shows its simplified but loaded counterpart. In diode-
Connecting input transistor Q,, for instance, the equivalent resistance
into Qs transconductor g . becomes 1/g , because the current
ﬂowmg through the diode- connected device is hnearly proportional
to its own terminal voltages. As such, the input resistance of the
circuit (i.e., R, ) reduces to 1/g, ., the lowest resistance in the parallel
combination that R, comprises, which also includes base-emitter

. p .
resistors r_ and r_,and Qs output resistance r

1 1

R (3.72)

N NINH OH DIN” gmAIN gmAIN

Base-collector capacitor C, also disappears in the simplified circuit
because its two terminals are short-circuited, which means C ’s dis-
placement (i.e., ac) current is zero (i.e., C, produces no effects in the

a
:F
a

20, |10
vln g’n

¥

(b)

Fieure 3.22 (a) Complete and (b) simplified (but loaded) small-signal model
of a basic npn current mirror.
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circuit). The output of the circuit remains intact and output resistance
Ry, reduces to Qs 7, the only resistance present.

Perhaps the more meaningful definition of the small-signal gain of
the mirror is the translation of source current i, to load current i, in
the presence of source resistance R, and load capacitance C, _, because
both R, and C, _, represent realistic operating conditions. As discussed
earlier in this chapter, decomposing the signal path into its equivalent
current-voltage and voltage-current translations and using the results
obtained in the single-transistor section helps ascertain the gain across
the circuit. In this case, small-signal low-frequency current gain A s

the product of small-signal translations i_to input voltage v,_, v, to

transconductor current igm, igm to output voltage v ,andv_ toi , or
i v\ v i
A = L(.aad :(ij[ﬂJ .out (Load)
H 15 ls Z)in ng Z)out
1
=(Rs | R )(=8,,.0)Rour | Rpgad) R
Load
1 1
= RS ” (_ng)(ro ” RLoad) R =-1 (373)
ngN Load

assuming a one-to-one area ratio between the matching transistors
(ie, g, equals g ). Note that a gain of 1 only results when R is
considerably smaller than R, and R, larger than R, ; in other
words, ideal input and output resistances R and R, respectively,
approach zero and infinitely high values.

ouT’

Small-Signal Response at High Frequency
The operation described thus far assumes steady-state conditions
and therefore relates to low frequency only. To ascertain the high-
frequency response of the circuit, it is usually easier to start at low
frequencies and find the poles that exist as frequency increases, short-
circuiting the capacitor that produced poles at lower frequencies.
Before analyzing the circuit, though, as noted earlier, Qs C, is
short-circuited (Fig. 3.22a) so no ac voltage exists across its terminals
and consequently no ac current results through the device, which
means, for all practical purposes, C | does not exist.

Noting R is generally low and R, is high reveals output pole
p,, precedes input pole p, as frequency increases. As a result, with
respect to dominant pole p,,, loading capacitor C,_, and C steer cur-
rent away from the output when their collective impedance is equal
to or smaller than their equivalent parallel resistance (i.e., 7 || R, ,)-
Because the base terminal side of C_ is at a low-resistance point (i.e.,
1/g, from ground), its associated series impedance has negligible
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effects on the total capacitor impedance so p, occurs when both C
and C_ shuntr |[R

Load

Load"

1 1 1 1
R —|IR J—
CLoadS || |:CHS +(gm || ° || 2CTCSJ:|

1
e = R ipss = Rig - 79

Load
(CLoad + CU)S p, I S
o 27R 4ad (CLoadtCy)

where C_, and r, replace C, and 7, in the MOS case and s in Laplace
transforms represents frequency.

As frequency increases past p,, assuming C, _, is dominant, C,_,
becomes a short circuit and Q,'s C_ . and Con and Q.'s C_ begin to
shunt and steer current away from Qs base, decreasing input volt-
age v, and the output current it produces in transistor Q (i.e., _).
The Miller effect of C, | is low because p,, at this point, decreased
much of Qs CE gain, which also means v__, is a low-impedance node
(to ac ground). As a result, the effects of input (mirror) pole p, occur

when equivalent input capacitance C (or C ., C,, and C ) shunt
the parallel combination of R and R
1 1 |
SCn 8Con +Cro * Cqu)| _ Suan
PN 2N +Cr0*Cp0)
1
=R, || R = (3.75)

m.IN

where C;and C, replace C, and C and r, disappears in the MOS case.

Capacitor Cp or C, asin the CE/CS transistor case, also consti-
tute an out-of-phase feed-forward path whose effects prevail at and
above frequencies where the capacitor current is equal to or greater
than the mirroring transconductor current. Input pole p, precedes
this right-half-plane zero (i.e., zy,;), which resides at g /2rnC_ or
8,/ 2nC_,, because the parasitic capacitance associated with the for-
mer exceeds the latter. It is important to keep z,,, well above frequen-
cies of interest because its right-half-plane effect not only extends
bandwidth to problematic frequency regions, where several parasitic
poles reside, but also decreases phase in the process.

3.3.2 Cascoded Mirror

Operation

The objective of the cascoded mirror with respect to its basic counter-
part is twofold: (1) improve mirroring accuracy and (2) decrease sen-
sitivity to variations in output voltage (i.e., increase output resistance).
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The idea is to eliminate base-width and channel-length modulation
effects in the mirroring devices by forcibly equating their respective
collector-emitter or drain-source voltages with cascode transistors.
Because cascode devices (e.g., Q- and Q. or M, and M in Fig. 3.23a
and b) carry the same current density, their base-emitter or gate-source
voltages and therefore their emitter or source voltages equal (e.g., Qs
and Qs collector-emitter voltages v_.'s equal), eliminating all modu-
lation effects. Since v,'s or v’s are equal to v, or v, with respect to
ground, variations in the output voltage have minimal impact on the
port-to-port voltages of the mirroring devices (e.g., Q,, and Q, or M,
and M), producing little effects in output current i_ ,, that is to say,
increasing the output resistance of the mirror.

our

Performance

As in the basic mirror, base currents degrade the accuracy perfor-
mance of cascoded mirrors and B-compensation resistors and f-helper
transistors help reduce those effects. Unlike the basic mirror, however,
base-width and channel-length modulation effects on the mirroring
devices are less prevalent, although random, process-induced mis-
match errors remain. Unfortunately, eliminating the modulation errors
increases the input and output voltage requirements of the circuit. For
instance, in the case of the cascoded mirrors in Fig. 3.234 and b, the dc
input voltage is the voltage across two diode-connected devices (i.e.,
2V, or 2V ) and its output must exceed the diode-connected voltage
impressed across the output mirroring device by one collector-emitter
or drain-source voltage (i.e., Vi, + Vi oor Vo + Vi ).

Relaxing the input and output headroom requirements of the
cascode circuit amounts to eliminating the dc voltage effects of the
cascode transistors. For instance, disconnecting the bases or gates of
the cascodes from the circuit and appropriately biasing them one
base-emitter or gate-source voltage above one saturation voltage, as
in Fig. 3.24a and b, continues to equate the v_.'s or v,'s across the

Ficure 3.23 Vour > VBE + VeEmin) Vour > Vs + Vbs(say
a) NPN- and (b . . . .
f\ll\)/IOS-cascoée) ’INl @ © llom lllN © llom

current mirrors.

co

Qcin M__MQCO Mew

¥ <

O ——“\QO My [E/IO
Veein=Vceo V4 Vpsin=Vbs.o A
(a) (b)
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Vout > 2VcE(min) Vout > 2Vbs(sat)
© 6] ©
1 | o +
Ve © Vasx Mx }~ *{ M,
B A1 A
+ _ —
i=]
g
53]
O Vas2 + Vbsicsay __{ |E,11
I A
(WIL)x < (WIL),
VBE + VCE(min) v v

(a) (b)

Ficure 3.24 (a) NPN and (b) NMOS low-voltage cascode current mirrors.

mirroring devices (althoughnow at Vi, . or Vo ) while avoiding
their V, or V_ impact on headroom. The input voltage is therefore
back to what it was in the basic current mirror, at one V,, or V
above ground, but its output must now exceed two minimum satu-
ration voltages, which is higher than in the basic mirror but lower
than in the simple cascode version shown earlier. Note that generat-
ing the bias voltage requires additional circuit, silicon real estate,
and power. In the sample BJT embodiment shown in Fig. 3.244, for
example, the resistor shifts up a base-emitter voltage by only the
minimum collector-emitter voltage a BJT can sustain before entering
the deep saturation region. Similarly, the aspect ratio (i.e., W/L) of
biasing transistor M, (and/or its biasing current) in the MOS exam-
ple shown in Fig. 3.24b is sufficiently low to ensure its saturation
voltage is large enough to accommodate the saturation voltage in the
gate-source voltage of the cascode device (e.g., V ,,,) and ensure
the voltage across the mirroring transistor is above its saturation

point (e.g., V,

DSl(sat))

Vesx =Vr + VDSX(sat) =Visy + VDSl(sat) =Vr+ VDSZ(sat) + VDSl(sat) (3.76)
or
VDSX(sat) = DS1(sat) + VDSZ(sat) (377)

Small-Signal Response at Low Frequency

Figure 3.25 presents the complete and simplified but loaded small-
signal equivalent circuits of the cascoded mirror circuit, which amount
to two diode-connected devices on the input and a CE cascode
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Ficure 3.25 (a) Complete and (b) simplified (but loaded) small-signal
equivalent circuits of the cascode current mirror.

transistor degenerated with a CE transistor on the output. Transistors
Q, and Q, constitute a basic mirror and they therefore simplify to the
small-signal equivalent circuit shown in Fig. 3.22b and again in
Fig. 3.25b. Similar to the mirror, the current flowing through Q_ s
base-emitter resistance r_ ., and output resistance , ., are negligibly
smaller than their transconductor counterpart, whose equivalent
resistance is 1/g, , so their effects, for all practical purposes, disap-
pear in the simplified small-signal circuit. Q. 's base-collector capac-
itor C, also disappears because there is no voltage across it to induce
a current. As always, s disappear and v, C.,, C,, and r, replace
Vo Co Cu, and r, respectively, in the MOS case.

The input resistance (i.e., R ) of the circuit is the parallel combina-
tion of the resistance into the two diode-connected devices and the
resistance into the base of output cascode transistor Q.. The resis-
tance Q ., presents, however, is considerably higher than the two 1/g

GD’



Analog Building Blocks

Analog Building Blocks

resistances associated with the diode-connected devices because of
the degenerating effects mirroring output resistance r ,, has on Q.
Asaresult, Q, introduces a B-translation of r,, to the mput reducmg
R, to roughly 2 / 8

1 1 1
R, = IR = (— + j
N [gm.CIN 8. M] N A 8man &mm

2 (3.78)

m

17, o +A+B), 1=
where r_disappears and B approaches infinity in the MOS case.

The degeneratmg effects of 7, on Q. also manifest themselves
in the output resistance of the c1rcu1t (i-e., Ryyp), except r,,, is not the
only degenerating factor. In fact, Q.’s base-emitter resistance r__,
the diode-connected devices (2/g, ), and the mirror’s output trans-
conductor g, present another resistance at Q.,’s emitter. Because
the bottom devices constitute a current mirror, output mirror transis-
tor Q, sinks a mirrored version of the base current flowing through
output cascode device Q. (i.e., igmo =i_.,), which means the total
emitter-degenerating current is twice Q_,’s base current and r /s
smaller current contribution, which means the equivalent emitter
degenerating resistance is approximately r_/2:

v, v v
R =_€ _ e _ e
DEG.CO = 7 — 7 : =5 :
I, lpcotignotihm  2hcotiom
2
7’n+_
_ Y, 8o 'n
= - ~In (3.79)
20 v 2 2
e + e
2 r
o.M
Vn +
g?”l

where Roe, o is QCO s effective degenerating resistance, i rCO is Qu’s

base current, i is Q,’s transconductor current, and i_, is the cur-
rent flowing tﬁrough r,,, (which is cons1derab1y smaller than i
Note that in the MOS case r. disappears and i_, is zero so degener-
ating resistance R reduces to 7,0 In any case, the degenerated
output resistance of the circuit is relatively large at approximately

CO)

RDEG,COro,COgm.CO’

Rour =7,.co t Rprc.co + Rpec.co %o.co §mco = Rorc.co’o.co 8mco  (3-80)
2,

where R . . and R are 0.5¢_and 0.5Br for BJTs and r, and r,’g

for MOSFETs. Note R;; would be infinitely large if base-width and
channel-length modulation effects (i.e., differences in v, and v .) were
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nonexistent, yet R . for the cascode circuit, whose purpose is to elim-
inate these effects, is finite. The reason for this finite value is that
changes in v, induce small variations in the v or v, of the bottom
output mirror dev1ce via the modulation effects of the cascode, thereby
introducing v or v differences between the mirroring transistors.
Because cascode devices Q. and Q., simply channel current
into and out of a basic mirror, the low-frequency small-signal current
gain of the circuit (i.e., A, ;) is roughly the same as that of the basic
mirror, except with mitigated (but not completely eliminated) base-
width and channel-length modulation effects. To fully comprehend
all loading effects, however, source and loading resistances are
included in the analysis and the current gain is defined as the transla-
tion of source current i_ to load current i, .. As such, low-frequency
current gain A, . is the product of its constituent small-signal transla-
tions: i to v, v, to mirror’s base voltage v, ,, v, ,, to mirror’s output
transconductor Current i A igm v 10 Q.,’s emitter voltage v, ., v, . to

Qqy’s transconductor currentz ) tov ,andv  toi . or
gm.CO7 "gm.CO out

= Moad _ [U ][vb Mj[lgm M] Ye.co (zgm-COJ Yout [ZLoadj
L L Uin Y Zgm.M Y.co lgm.CO Uout

1 j
_ _ tco T Riad 1 1
—(RSHRIN) [gmM ( gm.M)|:1+ngOUCO ||[nCIN+g +

R mM  Sm.CIN

out/ Load

IN

X (8 n.co)Rour |l RLoad)[RLJ

Load
R
S L e L
2 1 1
(gmM)[ )( gMM)[gm.COJ(gmACO)(l)z_1 (381)

As with any mirror, input and output resistances R, and R, should
approach zero and infinity, respectively, for maximum current gain.

Small-Signal Response at High Frequency

Given the basic nature of a current mirror, and even more so in a
cascoded mirror, output pole p, normally precedes input pole p,
because R, is considerably larger than R . With this in mind, the
parasitic capacitances present at v_, shunt R, at and past output
pole p,,. These capacitors include C, ,and Q,'s C , except the latter
has two 1/g, resistances in series. The effects of these 1/g resistances,
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however, are negligible because their collective resistance is sub-

stantially low with respect to R, || R, ., which means p_ reduces

to 1/2nRLoad(CLoad+C}LCO):
) [ B |
$Cico 8&m Croad  S(Chco+Croaa)| 1
Po= 27R 524 (C c0+Cload)
Rour Il Rigad = Roga.colo.co8mco) 1Riad = Rioad (3.82)

where R ... is 0.57_in the BJT case and r_in the MOS counterpart.

As in the basic mirror, but now across cascode transistor Q..,, C cO
feeds forward an out-of-phase signal from v,_ to v_  with respect to
mirror output current i ,,. The resulting right-half-plane zero asserts
its influence past roughly 8un/2mC, o, Wwhen C s current equals
the mirror’s. The rest of the poles and zeros in the circuit are at simi-
larly high frequencies because their respective resistances are low at
approximately 1/g _(i.e., Q,’s emitter resistance is also 1/g, because
C,..q is a short circuit at these frequencies and therefore exerts negli-
gible loading effects on Q_,’s emitter 1/g  resistance). In traversing
the circuit forward from input current source i, poles exist at v, , the
base of the basic mirror (i.e., v,,,), Q.,'s emitter, and v_, as already
defined by p .. Given input resistance R, is substantially low, most of
i, flows through R and not R, so the latter has little impact on fre-
quency response. In the same vein, a negligible portion of i flows to
Qs base because the resistance Q, presents (i.e., Z ) is substan-
tially high (since emitter degenerated Q_, amplifies mirror output
resistance 7, and divides mirror output capacitance C , by 1 + ).

C0n51dermg only input cascode Qs 7, -, and Cn.CIN remain in
the input path to the basic mirror (at v, , ), most of i_ultimately reaches

. because the effect of C__  is also to channel whatever portion of

i_ it carries from v, ,, to the mirror. As such, input pole p,, appears
when the parasitic capacitance at v, ,, shunts the 1/g , resistance the
basic mirror presents. Note the Mlller effectson C_ are low because
the inverting gain across its terminals is low at roughly ¢ , /g . or 1.
In the end, the basic mirror’s two C’s and C, shunt 1/ g, Past py, or
8o/ 2m2C_,, + CH.M):

1 _ 1
s2C, y +C -

(3.83
H-M) Em.M gm.M )
PIN"ZR(2C, p+Cyn)

Cascode transistor Q_.,’s emitter node v,., introduces what
amounts to a closely spaced pole-zero pair because the equivalent
capacitance at v, ., at those frequencies has a series resistance that is
only slightly larger than the total resistance present at v, .. For one,
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Ficure 3.26
High-frequency
small-signal
equivalent circuit
of the cascoded
mirror with a
moderately large
source resistance
(i.e., R;>> R ) and
load capacitance
(i.e., output pole p,
is dominant).
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Ocol/gm
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the resistance at v, ., as stated earlier, reduces to Q_,'s 1/g, , as shown

in Fig. 3.26. Secondly, the impedance through C_is considerably lower

thanC’s (ie., Z <<Z , when referring to the figure) so C 's impact on

vﬁ is lower. As a result the mirroring transistor’s Voltage gaino, .,/
v, isroughly g /¢ . or1atlow frequencies:

Yeco 2 j 1 1
- = +— +—
Z)b.l\/l gm,M |:(gm COJ || ( TI:ACO gm ” (SC}LM gm
2
= 3.84
gm.M |:(gm COJ || ( CTI:.CO gm J:| ( )

As frequency increases, Q.,’s C, shunts Q_,'s 1/¢  and the gain
begins to drop (in pole-like fashion). When C ’s impedance is suffi-
ciently below the series 1/g, resistances present, the gain flattens
(i.e., a zero emerges), but because the impedance is not much lower
than when it started, the zero is close to the pole. At and beyond these
frequencies, though, all capacitors conduct displacement current and
generally begin short-circuiting to the point frequency response no
longer matters because the transistors are already past their respec-
tive transitional frequencies (i.e., f,s)

3.3.3 Summary

Table 3.2 summarizes the performance parameters discussed in the
basic and cascoded mirror subsections. With respect to large-signal
response, the basic mirror offers the lowest minimum input voltage,
but the cascode is able to match it by deriving a voltage bias for its
cascode devices from another source. This fix, however, as with any
other, implies tradeoffs, such as additional quiescent current and
silicon real estate. Although the cascode circuit can decrease its out-
put voltage headroom to two V. . ’s or two V. ’s by again
deriving its bias from an off-line source, it cannot match the basic

mirror’s limit of one V. ~orone V. .. Ultimately, the real benefits



Analog Building Blocks

Analog Building Blocks

Basic Mirror w/R, Low-V. Cascoded Mirror
IN(min) VBE or Ves VBE or VGS
VOUT(min) VCE(min) or VDS(sat) 2VCE(min) or 2VDS(sat)
Accuracy V, or A error -
R 1/8, 1/g,
Ry roorr, 0.5rrg orr.g.
Py g, g
=~ —— or __°m ____ (high)
2n(2C, +C,) 21(2Cqg +Cqp)
Po 1 1 (low)
or ow
21T'R'-°ad(cﬂ *+Cload) 21R, 2q(Cop +Cioad)
Z
e _ané or —8n_ (higher)
ey 2nCyp,
Peculiarities Extra pole-zero pair

TaBLe 3.2 Mirror Summary

3.4

of the cascode circuit are lower base-width and channel-length
modulation effects and higher output resistance because other
important parameters such as input resistance, input pole, output
pole, and right-half-plane zero are similar in both cases, except the
cascode circuit introduces an additional pole-zero doublet. Note
there are several ways of decreasing the adverse effects of B errors
on accuracy in BJTs and the most benign in terms of tradeoffs and
simplicity (but not the most accurate) is a series base resistor.

Five-Transistor Differential Amplifier

In the same spirit of combining single-transistor amplifiers and buf-
fers to build differential input pairs and current mirrors, the latter cir-
cuits combine to produce slightly more complicated but rather useful
circuits. Consider, for instance, the mirror-loaded differential pair
shown in Fig. 3.27a, otherwise commonly known as the five-transistor
differential amplifier. The purpose of the current mirror is to convert the
differential output of the input pair into a single-ended signal without
the current or gain loss associated with just using one resistor-loaded
output terminal. With respect to large-signal response, mirror M, -
M, superimposes and adds M, ,’s output current variation (from
zero to I, ), which would otherwise be unused in a single-ended out-

put, to M s (from —I__ to zero). The combined currents, as a result,

NDN Tail
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variations
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® =
=)

VIN L

Vi

o ID

iout = ipp — IDN
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(@ (©

Ficure 3.27 Mirror-loaded differential stage (a) circuit and
(b) and (c) corresponding large-signal response.

yield a total output current variation Ai_ , that is equivalent to twice
its single-ended counterpart, which is to say i, ,, traverses from I to
+1,,, as shown in Fig. 3.27b, instead of zero to +I, or I to zero. This
doubling effect gives output v, a push-pull quality because M,

can push as much current into v, as M, is able to pull.

3.4.1 Differential Signals

Similarly, with respect to small signals, mirror M., ,-M,, ., as a double-to-
single signal converter, superimposes M, . ,'s positive differential current
i, to M 's negative differential current i, to augment their collective
gain to twice their single-ended counterpart. Evaluating the amplifier’s
small-signal equivalent circuit shown in Fig. 3.28a corroborates that the
single-ended output is literally the differential output equivalent of input
pair M ,,-M, ., because small-signal output v_, combines the effects of
both small-signal currents +i, and —i,_ into the equivalent resistance
present. As a result, the circuit produces a differential low-frequency

gain A . that is twice its single-ended equivalent:

A ~_ Uout _ (idp =14 )Toq v | Tas.non)
D.LF = =
Uia Yiq
— [O'Svid B (_O'SUid )]gm.D(rsdAPMN ” rds.NDN)
0.
id

= 8,0 (e e |l e o) (3.85)
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0.5g,.xpN + 0.-58,,.NDP

= Pm
i) M
Q
© 0.58.NDN
Frequency [Hz]
(®)
= Po
= p
A M
< | “prLF
Frequency [H
(© o

Ficure 3.28 (a) Differential small-signal equivalent circuit of a mirror-loaded
differential pair and its differential (b) transconductance G, and (c) voltage
gain A  across frequency.

which means low-frequency differential transconductance G,
reduces to g, given the input pair comprises two matched and
equally biased transistors:

Gprr=0.58, nop +0-58,, non = & (3.86)

The frequency response of the mirror-loaded differential pair is
the common-emitter/source amplifier associated with the output
side of the input pair (i.e., M, ) and its complement (i.e., M) via
a bandwidth-limited current-mirror translation to output v_,. To
start, assuming the input pair’s source resistance is low (i.e., there
are no significant Miller effects in the input-pair transistors), the
dominant pole of the circuit is at the output, at the highest resis-
tance node. As such, the effects of output pole p  become prevalent
past the point the equivalent capacitance at v, (i.e., Cy) shorts the
equivalent resistance present, which is the parallel combination of

, , . .
MI.\IDN S 7y o Mo’ Taervn and whatever loading resistance R,
exists:

1 1
$(Cpgpvn + Coppvn + Cogaon + Copaon +C1) - 5Cq | X 1
O 2m(r,g pvinliras. NoN R Load ) CeQ
=7qpmn || Tas non 1 Ricad (3.87)
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Because the remaining effects in the differential pair (such as those
of its out-of-phase feed-forward capacitors and their resulting right-
half-plane zeros) and mirror are the result of resistances that are on the
order of 1/g , their effects are at higher frequencies. Of those, however,
the parasitic capacitance associated with mirror node v is consider-
ably larger (at 2C_, + C,,) than the rest (at C ) so its pole effects appear
first, after p.. As a result, differential transconductance G, which is at
its highest point at low frequencies (at g ), starts dropping when the
mirror’s contribution decreases, past the point the total capacitance at
the gates of mirror transistors M, ., and M, (e, 2C shunts the

o UPMP . GS.,M)
equivalent resistance present (i.e., 1/g, ), thatis, past mirror pole p, :

1
5(2C.c,, +C )I = Il 745 enap 1l s nop
Gsm T “GpMm P gm.}\ic ) 8m.pMP
GS.M GD.M
1
= (3.88)
8m.pmpP

as shown in Fig. 3.28b.

At higher frequencies (past p,,), when mirror current i, falls to neg-
ligible levels, G, reduces from 0.5¢ .+ 0.5¢ - orG, . Ewhich is dif-
ferential transconductance g, ) to 0.5¢ . or 0.5¢ , half its low-fre-
quency counterpart G, .. The location of the left-half plane mirror zero
(i.e. z,,) that flattens the dropping G, t0 0.5, corresponds to how much
frequency must traverse to decrease low-frequency transconductance
G, (org )toitstargetof 0.5G, . (or0.5¢, ), and because gain decreases
linearly past pole p,, z,,is p,, &, ,/0-58, , or 2 times higher than p, :

Gowe | _ 8un |
G. = _ " DLF _ &mp —05G. =05
P ( 2nsJ (2nsj DLF 8wp  (3.89)
1+ — el
pM f>p pM Z=2PMm
or algebraically,
0.5g,,
Gp = SR +0.58,,n0N
s
1+—
[ PM]
5 s
&m.NDP (l + Tj 8m.NDP (l + Z—j
= == M (3.90)

s - s
(1 + —J [1 + —]
Pum Pm
Because the pole and zero associated with the mirror are in close
proximity, their effects tend to cancel. Nevertheless, p,, precedes z,, so
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the phase dips slightly before z,, recovers it. This pole-zero doublet
also appears in differential voltage gain A, as shown in Fig. 3.28c.
Note the source resistance is not necessarily small and larger values
pull input pole p, to lower frequencies.

3.4.2 Common-Mode Signals

The net effect of the mirror load, as appreciated in Fig. 3.292 and
expected from the double-to-single signal conversion, is to offset the
common-mode currentin M, (i.e., i ) with M .’s (i.e., icp). Because
the currents are approximately equal, their net effect is to produce an
output voltage v_, and a common-mode gain A_ that near zero. The
circuit, however, as it stands, does not ensure the dc drain-source
voltages of the supposedly matched transistors in the mirror and dif-
ferential pair equal, which means channel-length modulation causes
a systematic offset in the currents (i.e., Ai) that ultimately produces a
combined mirror error E,:

P i .
Ai=i_ —i_ =i [DBEI_P | _j
Cp cn cn Z 1 cn
en JUNDP

.| 1+AV, 1+AV, .
= lcn |:(1 + kVDS'NDP ](1 + k‘/SD‘PMNJ - 1:| = chEk = vcmGCLFE}» (391)

DS.NDN SD.PMP

This offset in currents is proportional to common-mode input voltage
v_. and degenerated common-mode transconductance G, and the

CLF

8m.D
I~ 14274 ai1 8.0
= 8m.D
3
&)

Frequency [Hz]

(b)
E Po Pm
=
-é) 2y Past f;
2G

Frequency [Hz]
(©

Figure 3.29 (a) Common-mode small-signal equivalent circuit of the mirror-
loaded differential pair and its equivalent common-mode (b) transconductance
G, and (c) voltage gain A, across frequency.
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voltage it produces at v , with respect to v_ constitutes common-
mode low-frequency gain A, :

A =Zout _ Airyovn (O GerrE) s pvn
CLF = = =
UCm va va
Er Er
=Gy = EmnonEalasrmn . Falas.pmn (3.92)

1+ 8 non2as mail s Tail

As a result, common-mode gain, which is a nondesirable effect of the
circuit, is nonzero when mismatches in the circuit exist, and increases
with increasing output resistance and degenerated transconductance
values. Random and systematic mismatches in threshold voltages
(i.e., V.'s), transconductance parameters (i.e., K”s), and channel-
length modulation parameters (i.e., A’s) further increase offset error
E, and degrade A, .

Assuming the input common-mode source resistance is low, the
first pole to appear in the circuit corresponds to the node with the
highest resistance, which in this case is normally v_ . The location of
this pole is close to the location of the output pole in the differential
circuit, except the differential pair is now degenerated and its output
resistance (i.e., R..) is considerably larger than the mirror’s. None-
theless, the equivalent capacitance at v_, shunts the equivalent resis-
tance present past this output pole p,:

1 1|
S(Cpg.rmn + Cop.pmn T Coonon + Copaon +C1)  5Cg - 1
O 21(ryg pwnIIRLoad)CEQ
=7 g omn 1 Rigaa [ Roeg = Tapnn | Rigaa (3.93)

Degenerating resistance 2r, ... is also typically large and its effects
may not be far from p , except shunting 2r, . with 0.5C_ . . increases
common-mode transconductance G_. so its effect is to add zero z to
A, at approximately 1/2xr, . .C as shown in Fig. 3.29b:

ds.Tail —~GD.Tail”

___r =2r
= “!ds.Tail
(0.-5Ccpqai)| .1
21745 TaitCGD. Tail

(3.94)

The feed-forward C_, capacitors in the differential pair also tend to
increase the value of the degenerated transconductance and shift z
by increasing the net current available to the mirror. In any case, the
pole that appears when degenerated transconductance G.. flattens to

its nondegenerated state of g (i.e., the input pair’s transconductance)
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is at considerably higher frequencies because the frequency that must
traverse to increase degenerated low-frequency transconductance

G, por1/2r, . tog _isexpansive:
27s
Ge =Gy (1+ - J
G
f>>zg

=8&up (3.95)

P6=214s Tail8m.D%G

~ [ ng ](@j
1+ 27 i &mp )\ Z6

where pole p, is roughly 2r, .. ¢ = times higher than z_. The current
of the feed-forward capacitors overwhelms G at these frequencies so
p becomes, for all practical purposes, inconsequential.

The effect of the mirror is peculiar because any small attenuation in
compensating current i represents an increase in offset current Ai and
common-mode gain A.. An increase in A. amounts to a degradation in
the circuit’s ability to cancel i with i_, the double-single signal conver-
sion objective of the mirror. As a result, steering current away from the
1/g, ., resistance at the input of the mirror with the parasitic capacitance
present has an amplified impact on error E, (past pole p, ), which means
the error increases at considerably lower frequencies with respect to p, :

1 | 1

$(2Cqsm +Copm + CGD.NDP)L, S S
M 2m(2Cqsa1+Cop.m*Cop.NDP)

(3.96)

The zero z,, that results increases A at approximately E, times p,,
where E, is a small fraction (e.g., less than 4%) so z,, precedes p,,, as
shown in Fig. 3.30:

i (1+E)—i_ (1+i]

_in(+E) . _ Py

-1 Lt =
cp cn cn
(1+i] (1+ij
Pm Pm

s
= : (3.97)

[1+ij [1+LJ

Pum Pm

Note offset current Ai and the error peak when common-mode cur-
rent i_ is considerably smaller than its initial value of i_(1 + E,), that is,
when Ai nears i, which happens at and past p,,.

In review, the only reason why there is a nonzero common-mode
gain in the circuit is mismatches in the circuit exist, and its effects are

Ai=i
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Ficure 3.30 The
effect of the load
mirror on the
differential pair’'s
common-mode
output offset
current Ai.

Ai [dB]

Frequency [Hz]

less pronounced when degenerating resistance is highest. The load-
ing capacitance present at v_, the dominant portion of which is typi-
cally C, ., tends to decrease common-mode gain A_ first, as shown in
Fig. 3.29¢. Tail current capacitance C,. .., increases transconductance
G_ataround the same frequencies mirror capacitance 2C_ ,, increases
offset current A, and feed-forward capacitors C_, in the differential
pair compound these effects near similar frequencies. Offset current
Ai and the error it produces eventually peak when the mirror pole
renders the mirror inactive past mirror pole p,,. Ultimately, because
p,and p,, in the common-mode circuit resemble those of the differen-
tial counterpart, their effects in common-mode rejection ratio CMRR
are for all practical purposes inconsequential (because they cancel):

27s 27s
gm.D (rsd.PMN “ rds,NDN)(l + p_) (1 + —J

D . (0] M
AC |: gm.DEkrsdPMN :|(1 +%J(l +@J(l +Ej(l +%J

1+ 27 108 Po Zg 2y Pum

Ty
~ gr;.DSsd.Tall s (398)
E, (1 +i](1 +ij
Zg Zm

Differential gain A , however, does not match the transconductance

and mirror zeros z. and z,,in A_. so the zeros have a degrading effect
on CMRR, as though they were poles.

S

CMRR =

Summary

Analog IC design, for the most part, decomposes into a series of single-
and two-transistor circuits. Because transistors are, by definition,
two-terminal resistors with a controlling third terminal, the manner
in which a single transistor can be connected conforms to one of three
basic configurations: common-emitter/source, common-collector/
drain, and common-base/gate circuits. Common-emitter/source
transistors amplify voltages and convert voltages to currents, and are
therefore often useful in voltage and transconductance amplifiers.
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Common-collector/drain followers are good voltage buffers with
relatively low output impedances, which is why they are often useful
in current-driving applications. Common-base/gate circuits buffer
currents and therefore provide a means of channeling current into
other current-processing circuits, including loading resistors, provid-
ing in the process a transimpedance gain.

With respect to small signals, the gate presents the highest resis-
tance possible, followed by the collector or drain and then the base.
The emitter or source terminal usually offers the least resistance at
approximately 1/¢ . The base-collector or gate-drain capacitor (with
the help of the base-emitter or gate-source capacitor) not only steers
energy away from its base or gate, having the effect of a low-frequency
pole at the input, but also offers an out-of-phase, feed-forward path to
the output, the result of which is a right-half-plane zero.

Two unique and valuable two-transistor circuits are differential
pairs and current mirrors. The differential pair is useful in rejecting
common-mode noise, which is especially prevalent and therefore
problematic in mixed-signal systems sharing a common silicon sub-
strate. Its ability to process differential signals also creates additional
niche applications for the circuit. With respect to small signals, the
differential pair ultimately decomposes into two common-emitter/
source transistors. As to the current mirror, it offers a basic and robust
means of processing currents, folding them so that sourcing a current
into its input causes its output to sink a proportional fraction or gain
of the same, and vice versa. As in the differential pair, the mirror
decomposes into two common-emitter/source transistors, one of
which is diode connected. Additional resistors and transistors may be
used to improve its basic performance, as is the case in mitigating the
effects of base-current errors and base-width and channel-length
modulation on the output current. Ultimately, unique combinations
of these basic one- and two-transistor analog building blocks com-
prise the foundation for more complex analog systems (as in the case
of the five-transistor differential amplifier) performing a wide range
of higher-order functions, the most pertinent of which for this text is
regulation. Chapter 4 consequently reviews and discusses how nega-
tive feedback loops, which are nothing more than a combination of
several signal-processing analog circuit blocks in a loop, regulate cur-
rents and voltages against variations in their operational and envi-
ronmental conditions.
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Source: Analog IC Design with Low-Dropout Regulators

CHAPTER 4
Negative Feedback

ust as an artist applies the mechanics of language to poetry, an

analog integrated circuit (IC) design engineer applies the basics of

solid-state devices and circuit theory to microelectronic design. To

that ultimate end, this chapter seeks to combine the devices and
analog building blocks discussed in the previous two chapters to real-
ize higher order functions, like voltage regulation, which is a driving
force in this textbook. The fact is a voltage regulator must regulate and
remain stable over a wide range of operating conditions. Negative-
feedback circuits, in short, achieve the regulation features sought but in
doing so they pose restrictions and generate by-products that may or
may not be desirable in the system. In the end, the control limits and
dynamics of the feedback loop determine the efficacy of the regulator
with respect to ac, dc, and transient accuracy, the meets and bounds of
the system. This chapter is therefore about negative feedback and follow-
up chapters apply the fundamental teachings from this discussion to
the design of linear regulators.

Generalities

4.1.1 Loop Composition

Feedback, in its most basic form, is a signal-processing loop, as illus-
trated in Fig. 4.1a. The loop is inconsequential on its own but ulti-
mately useful as a signal-processing medium for incoming voltages,
currents, time, and whatever signals come its way. Injection points
mix these input signals (e.g., s, and s,) into the loop and extraction
points sense or sample signals out of the loop for further processing or
as stand-alone outputs (e.g., s, and s ).

From the perspective of processing input signal s, into output s,
the loop comprises a mixer, a forward open-loop gain A, a sampler,
and a feedback open-loop sense factor B, as depicted in Fig. 4.1b.
The loop signal with which s, mixes, that is, feedback signal s, must
have the same dimensional unit as sI—if one is a current, so must the
other be, and so on with voltages and any other possible dimensional
units. The absolute gain through the loop is the loop gain (LG), which
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Ficure 4.1 (a) Conceptual and (b) symbolic representations of a feedback loop.

is equal to A, B,;- Because the loop establishes negative feedback, the
gain through the loop, including the mixer, must, as a matter of
course, be inverting (i.e., —AOLBFB). A negative gain, however, is not
necessarily always the goal but the foregoing discussions will
concentrate on negative feedback because of its vast application to
analog circuits and, more specifically, regulators.

4.1.2 Gain

Ideally, the loop gain is infinitely high and can therefore only be stable
when incoming signal s, is equal to feedback signal s, at which point
error signal s, is sufficiently low to produce a finite, quantifiable, and
therefore stable output signal s,. As a result, a feedback circuit, in
qualitative terms, does what it can to force (or regulate) s, to equal s
(which is equivalent to reducing s, to a small fraction of s) and the
extent of its success depends on how high loop gain LG (or A, B.;) is
in practice. The resulting closed-loop gain from s, to s, is close to
unity and the relationship between s,and s, can be therefore described
as a virtual short in the case of voltages and a virtual mirror in the case
of currents. Similarly, in traversing the loop back from s, (now that it

roughly equals s), s, is only a translation of s, through s, which
means s, is s, (or s;;) divided by B, and againby A, :
se=s1— s = 51~ SE(Ao Brg) = o1 ~ 2 4.1)
1+ Ao Brs  AoiBrs

or

A
SFB = SE(AOLBFB) = (SI - SFB)(AOLBFB) = il_f_AO—LBBFB) =S (42)
OLFFB
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assuming loop gain A B, is substantially larger than 1. As a result,
as a signal-processing medium, because s, and s, are virtually equal,
output s is approximately only a B, translation of s, (i.e., 5, = s,/

BFB = SI/BFB):

A

S

so=(s;1—sm) Ao = (51— soPrg) Ao = 1+[13—O;1 =~ Bs—l (4.3)
FB* "OL FB

so closed-loop gain A, between s, and s, is roughly the reciprocal of
feedback factor B

A 1 1
Ao =30 "0L_ A ||-——=~— 4.4
<t si 1+ AOLBFB ok BFB BFB @4

Note negative feedback reduces A, to A, just as a 1/B,, impedance
would in the parallel combination of A, and 1/8,,. Viewing the effect
of feedback on gain in this manner often helps infer other effects in
the circuit.

As in the case of closed-loop gain A, with respect to forward
open-loop gain A, , negative feedback amplifies or attenuates the
effects of open-loop parameters by a factor of 1 + A B,,. Consider, for
instance, when A, is a first-order low-pass filter with a radians-per-

second bandwidth of w_, and a low-frequency gain of A | -

A 1
O e Ryl o (4.5)

AoL = s
[1 + —J FQ
WoL

Since closed-loop gain A, is the parallel impedance combination of
A, and 1/, and A, in this case is proportional to the parallel com-
bination of its pole-setting resistance R, and capacitance C,, nega-
tive feedback shunts Ry, with 1/, thereby effectively reducing the
pole-setting resistance to Ry, || 1/By:

1 1
o|—|| R —_ .
ACL [BFB ” EQJ “ SCEQ (4 6)

which means the pole is now at considerably higher frequencies,
assuming 1/, is lower than R,. In algebraic terms, substituting
A, into the A, relationship yields a closed-loop corner frequency
o, thatis 1 + A times larger than the original open-loop
bandwidth:

OL.LFB FB
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A

OL.LF
1+
A = Do _ AOLALF
CL — A - s
L.LF 2
14| —OLLE Brs 1+ ® + AoL eBrs
1+ or
O
( AOLALF J
1+ Ao 1rBrs _ ACLALF

(4.7)
S

(l + ] [1 + LJ
o (1+ Agy 1£Brp) Wcp,

where A | . is the low-frequency gain of the closed-loop system. Simi-
larly, negative feedback reduces the corner frequency of a high-pass filter
circuit o, (i.e., extends its bandwidth) by a factor of 1 + A | Bp:

s
AOL,LF [@_j

Ay = —SOL (4.8)

Dgy,

s
AOL,LF [(‘)—()Lj
s
1 S

* O AOL.LF ((")—OLJ

A = —. = =
. A 5 p{i}r A B [L]
OLLF| g~ Oor oLLrPrs| g

1+ Brs
S
A -
~ OL.LF [('OOL ]

) {H s<1+AOLALFBFB>]

Oop

[ AovLir )|:s(1+AOL.LFBFB)i| A [Lj
I+ Aoy 1B Ogr _ o (4.9)

B {1_,_ S(1+AOL.LFBFB):| [1+Lj

or

Wpy, Oy,



4.2

Negative Feedback

Negative Feedback

As with gain and bandwidth, negative feedback also reduces (i.e.,
improves) the sensitivity of an amplifier by a 1 + A B, factor. Sensi-
tivity refers to how vulnerable a parameter is to external forces, in
other words, its percentage change with respect to its ideal value in
response to external variations:

_dA

OL
Sto =7 (4.10)

OL

where S, is the sensitivity of A, and dA the variation in A that
results from a change of some external force, which is another way of
saying its first derivative with respect to that force. Qualitatively,
because A, is approximately 1/, and roughly independent of A,
A_s sensitivity to A is considerably low. Algebraically, applying
the same sensitivity concept to A, as done to A, but using its rela-
tionship with respect to A, reveals closed-loop sensitivity S, is
lower than open-loop sensitivity S, by a factor of 1 + A By

d( Ao j (1+ Ao Brp)d Ay, — (Ao B dAoy,
_ dACL _ 1+ AOLBFB

o - ) (1+Aq By’
fa Acy ( Aor j ( Aor J
1+ Aq Bre 1+ Aq Bre
dA S
= o _-_"lu (4.11)
AOL (1 + AOL BFB) 1+ AOL BFB

Along the same lines, because A, is roughly independent of A,
negative feedback reduces distortion that results from variations in
A, across a signal’s amplitude; in other words, it linearizes a circuit.
Similarly, just as negative feedback reduces forward open-loop gain,
extends bandwidth, desensitizes a circuit, and linearizes its response
by a factor of 1 + A B, negative feedback also increases or decreases
open-loop impedances by a factor of 1 + A as will be seen in
follow-up discussions.

OLB FB/

Mixers

The mixer determines several characteristics of the loop, from the sig-
nal relationships across the loop (e.g., s, sets s, and s, in turn sets s,
s., and all other loop signals) to the circuit’s input impedance, and its
results depend on the manner in which the circuit mixes the incom-
ing signal into the loop. A mixing function, to start, is nothing more
than a summer whose output is the difference of its inputs (e.g., s, is
the difference of s, and s, in Fig. 4.1b). In the first case, adding or
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Ficure 4.2 (a) Series- and (b) shunt-mixed negative-feedback circuits.

subtracting voltages amounts to placing them in series, as shown in
Fig. 4.2a, where two-port Norton-equivalent circuits model forward
gain A, and feedback factor B_,. Because A 's input resistance R,
is in series with feedback factor BFB, series feedback has a tendency to
increase the effective input resistance of the forward open-loop ampli-
fier (i.e., A, circuit). A parallel or shunt configuration, on the other
hand, adds or subtracts currents, as illustrated in Fig. 4.2b, giving rise
to the term shunt mixing. In this latter case, because R, is now in
parallel with feedback factor 3, negative feedback tends to decrease
the input resistance of the A, amplifier. Since the effects of the mixer
differ vastly from both series and shunt configurations, determining
the nature of the mixing function is key in assessing its impact on
input impedance.

Ascertaining the type of mixer being used amounts to locating
the mixing agent, which can only reside at signal-injection points.
Such a loop may have several mixers, but only the mixer correspond-
ing to a particular input and the gain through the loop (i.e., LG or
A Bgp) determine the electrical characteristics of that terminal. As
such, after identifying the loop as a negative feedback circuit, tracing
the input signal into the loop is the second step in identifying the
mixer for that input terminal. The next and final step is to recognize
all possible mixers in the input path and verify which one sums an
incoming signal (i.e., s) with a feedback loop signal (i.e., s,,) and
pushes their difference (|s,—sg;|) on through the loop.

4.2.1 Series (Voltage) Mixers

The most commonly recognized voltage mixer is probably the differ-
ential voltage amplifier, otherwise known as the operational ampli-
fier or op amp, for short (Fig. 4.3), because its output is (by definition)
the amplified difference of its input voltages. As such, whenever an
input signal finds its way into one of the input terminals of an op amp,
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Ficure 4.3 Descending abstraction levels of most common series (i.e., voltage)

mixers: op amp, differential pairs, transistors, and difference transconductors.

wherein the other input terminal is in the ac signal path of the loop,
the op amp is a voltage mixer. However, if one of the input terminals
is at ac ground, that is, not in the feedback path, as in the case of an
inverting op-amp configuration, the op amp is no longer a voltage
mixer because its output is the amplified version of its one ac input
- 0)A, =9v,A)). In any case, the op amp is only an abstrac-
tion of a more primitive circuit, the differential pair, whose output
current is directly proportional to the differential voltage across its
inputs (Fig. 4.3). Even more fundamentally, the differential amplifier
is a pair of common-emitter/source transistors whose individual
transconductor currents are proportional to the ac differential voltage
across their base-emitter /gate-source terminals (Fig. 4.3). As a result,
if an input signal finds its way into a base, gate, emitter, or source and
the complementary emitter-, source-, base-, or gate-input terminal is
in the ac feedback path, the transistor’s transconductor constitutes a

(i.e., v,= (v,

voltage mixer.

The input resistance of a series mixer is the series combination
and an
amplified version of the open-loop input resistance of forward
). Generally, referring to Fig. 4.2a, closed-loop
is the ratio of the ac voltage across its input
terminals (i.e., v) and the induced small-signal current through the
terminals (i.e., 7). Input voltage v, is the collective voltage across

of the output resistance of feedback factor B, (i.e., R, ;)

amplifier A, (i.e., R
input resistance R

L.OL.
IL.CL

i

R, and R

1.OL O.FB

FB™ "O.FB
gain A, | is v, /v,orA

v iRy op + (G +ig gs)Ro g
1.

1 1

R

1.CL

=Y
i,

_ iRy oy 5+ GR; 61)AVGrp R0
i

1

R

and, assuming the output is a voltage, feedback factor
Brpis U/ v, 0or the product of Norton-equivalent feedback transcon-
ductance G_; and R, (i.e., By, = G,R, ;) and forward open-loop

I.OL(1 + AOLBFB) + RO.FB (412)
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Ficure 4.4 Series- (or voltage-) mixed examples: (a) noninverting op-amp
configuration and (b) emitter-degenerated common-emitter (CE) transistor
amplifier.

In other words, series-mixing increases open-loop input resistance
R, (and equivalent input impedance Z ) by a factor of 1 + A B,
Note that circuits with substantially increased input impedances con-
stitute ideal loads for incoming voltages because they do not shunt input
energy (i.e., signals) to ground.

The noninverting op-amp configuration shown in Fig. 4.4a is an
example of a series-mixed negative-feedback circuit. The negative-
feedback loop traverses from the inverting input, across the op amp,
and through feedback resistor R, back to the inverting input. Because
feedback signal v, is on the inverting input and input v, on the com-
plementary input terminal, the op amp series-mixes v, into the feed-
back loop (with ;). Forward open-loop gain A, is the transfer
gain from the difference of its input terminals to output signal v,
(i.e., A, is v /|v,— vy |), which in this case is the differential gain
of the op amp. Feedback factor B, is the transfer function from v,
back to the feedback input of the mixer (i.e., v;), which is the volt-
age divider ratio between resistors R, and R,, thatis, B, isR, /(R, + R,).
As aresult, because v, is only a B, translation of v, which is virtu-
ally shorted to v, v, is roughly v,/ B, or the well-known closed-loop
gain of (R, + R,)/R,, assuming loop gain A is considerably
larger than 1:

V.OLB FB

v A A R, +R
Ay =20 = - AVAOL _ V.oL 3 1R 2 4.13)
Uy +Ay o1 Brs 1+(AVAOLR1J 1
R, +R,

The closed-loop input resistance (i.e., R, ., ) of the circuit is the series com-
bination of the output resistance of the B, network R ., (which is the
parallel combination of R and R, in this example) and the amplified ver-
sion of differential open-loop input resistance R, ., , which in the case of a
BJT differential input pair is an amplified translation of 2r,:
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R =Rppp +(1+ Ay o Brp)R; o1

— AV.OLRI
- (R, ||R2)+(1+ s (4.14)

where r_approaches infinity in the MOS case.

Perhaps more fundamental series-mixed negative-feedback cir-
cuits are degenerated common-emitter (CE) and common-source
(CS) amplifiers (Fig. 4.4b). In such circuits, the transistor and its
degenerating resistor comprise a negative feedback loop because the
transistor-resistor combination respond to oppose variations in out-
put current i.: as i, increases, so does emitter/source voltage v,
causing the base-emitter or gate-source voltage to decrease and there-
fore producing a proportionally smaller transconductor current i__
and i,. Because input voltage v, is at the base or gate and feedback
loop signal v, at the emitter or source, the transistor’s transconduc-
tor ¢ mixes v, with v, (i.e., transconductor current igm is the product
of |v,—v,,| and g ). Since the output is a current and the input a volt-
age, the forward open-loop transconductance gain A ,, and feedback
factor B, are the transfer functions from (v, - v,,) to i, (i.e., g, ) and i
to v, (i.e., R), respectively. The resulting closed-loop transconduc-
tance gain A, , is therefore a loop-gain-degenerated version of g ,
o AG.OL — Em 1 (4.15)

A =— = = =~ —
“t o 1+A B 1t+g,R R

and the closed-loop input resistance of the circuit (i.e., R,
series combination of R and the loop-gain translation of r_or

) is the

R =Rp s+ (1+ Ag o1 Bep)R o = R+ (148, R)r,

=r, +(1+g,r ) R=r +(1+P)R (4.16)

As expected, the results do not differ from the ones obtained by con-
ventional means, as discussed in Chap. 3. Note, however, B in R,
for the BJT case includes an approximation because not all the emitter
current flows through the collector, since the base drives a fraction; in
other words, B, is

B, = = (iJR _ (M]R ~R 4.17)

Ic BB]T

assuming B, as the BJT’s current gain, is considerably high (e.g.,
50-100 A/A).

The transistor, because it also processes the small-signal differential
voltage across its base-emitter or gate-source terminals, is equivalent to
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a differential op amp with an output resistance equal to r or r,. The
only differences are (1) a true op amp also processes the large-signal dif-
ferential voltage across its inputs (i.e., dc voltage across op-amp inputs
is zero and dc voltage across base-emitter or gate-source terminals is
nonzero) and (2) the emitter or source terminal conducts current (while
neither op-amp input does). In other words, virtual-short approxima-
tions apply to small signals in both the op amp and the transistor in
negative feedback (i.e., 0,~0,0,~0, and v, =v_) but only to the op amp
when considering large signals (i.e., V,# V,and V_# V. but V_= V).
Given this result, Fig. 4.5a illustrates a transistor-level embodiment of
the more general series-mixed op-amp case. Applying the above-stated
approximation to this circuit indicates a virtual short exists between the
base input and the corresponding emitter feedback terminal (i.e., v,= v,
so the small-signal closed-loop output voltage is an amplified voltage-
divider ratio of v, (i.e., v, is roughly v,/ or v, /B.,):

Y
———[(R, || R R
Y, _ [Rl ||RE1][( IR+ R _ (R, [[Rg;) +R, (4.18)

A
Y4 Ry [ Rg;)

V.CL

Q

%
Y; b

which is the transistor-level parallel of the noninverting op-amp
configuration.

N Y VY — io = 01~ v

R, Mixer Vb R ,

(a) (b)

Ficure 4.5 (a) A transistor-level embodiment of the series- (voltage-) mixed op-amp

circuit
signal

in a noninverting configuration and (b) its corresponding low-frequency small-
equivalent circuit.
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The circuit shown in Fig. 4.5a is also an extrapolation of the
degenerated circuit in Fig. 4.4b because additional circuits (like M,)
further process the transconductor current of the mixing transistor
(i.e., Q,) before feeding the signal back to the mixer’s feedback point
(e.g., Q,’s emitter). In other words, a negative feedback loop exists
because Q, and M, and R, and R, respond to oppose variations in
Q ’s collector current i,—an increase in i, causes Ve, tO decrease,
i, to decrease, v, (or v,) to increase, and v, (or v,) to increase,
producing a lower v, and consequently a proportionally smaller
transconductor current i, and i.,. What is interesting about this
case, and most larger loops employing series mixing, is the exis-
tence of two intertwined negative-feedback loops, as increases in i,
also cause increases in vy, directly, without going through the loop
(i.e., degenerated transistor Q, is itself a negative feedback loop).

In multiple-loop cases, the loop gain of one loop normally over-
whelms the others, ultimately determining the closed-loop dynamics
of the circuit. For instance, the forward low-frequency small-signal
open-loop voltage gain of the larger loop in Fig. 4.5b is the product of
the gains from (v, - v,) to v, (which is roughly —¢ 7, ;) and v 07,
(which is approximately g {r |7 I [R,+ (R,]| Rm)] so AV oL

S aSmollaca 1 74 1 IR, + (R || R]}. In opening the loop to determme
R,,, to avoid opening the two loops since only one feedback loop is
being considered, only v, in M,’s transconductor source is shorted to
zero (not the actual gate Voltage) so emitter resistance R, in the pres-
ence of M,’s load reduces to roughly 2/¢

m 1

R, = (M] 7., = 2 (4.19)
8m'o1 8m

Arbitrarily grounding Q,’s emitter would have otherwise masked
not only R, but also Q,’s inherent feedback loop and similarly grounding
M,’s gate would have concealed the effect of r,_,. The circuit’s open-
loop feedback factor BFB is the transfer function from v, to v, , which is
the voltage divider between R, and R, || R_so B, is (R, || R;)/[(R, || R;,) +
R,]. The resulting loop gain can be substantially larger than that of the

simple degenerated case, that is, larger than g (R, || R,),

LG=A

V.OLBFB

R, ==
2
= {gmlrd%gmz {rdSZ ” rds4 || |:(R1 || g j+ R2:|}] %
I R,

ml

(4.20)
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which is why the overall closed-loop voltage gain of the circuit
approximates to

4 R +[R1 ||giJ
Ay =1 gt =g =————" (4.21)

Vet 1+ Ay 5B Brs R, ||—=—
1

ml

Including the loading effects of a particular resistor on both inter-
twined loops may lead to redundancy and therefore produce inac-
curate results. For instance, feedback factor’s output resistance R, .,
which in this case is R, || R,, degenerates Q, and sets the open-loop
input resistance of the outer loop (ie., R ) to r +(1+B)(R,[|R,).
Including R, ., as R, || R, again in the expression for closed-loop input
resistance R, ., would incorrectly recount its effect on the circuit. The
point is R, ;, absorbs R, .. so R, ;; disappears from R, ,’s expression:

Ry =R 1+ AV.OLBFB) +Rpp = RLOL(1 + AV.OLBFB) (4'22)

1.OL
Note these results represent three sets of approximations: one loop
overwhelms the other intertwined loop, the larger loop’s gain is con-
siderably larger than the smaller loop’s, and general transistor-level
impedance and small-signal gains linearize (i.e., approximate) the
effects of a nonlinear circuit.

4.2.2 Shunt (Current) Mixers

In its most basic form, a current mixer is a star connection of input,
feedback, and error currents, as illustrated with i, i, and i in Fig. 4.2b.
The output resistance of the feedback factor ., (i.e., R ;) is in paral-
lel with the input resistance of the forward gain A, (i.e., R,) and
both of them combined constitute the effective open-loop input resis-
tance of the circuit (i.e., R || R,,)- Generally, finding this type of
mixer in large feedback circuits is not always straightforward because
applying input voltages to the circuit does not necessarily imply the
feedback loop mixes voltages, as intuition would initially suggest.
Even so, testing for series-mixed inputs by searching for base-emitter
and/or gate-source terminals carrying input and feedback voltages,
as discussed in the previous subsection, is easier and therefore recom-
mended. After discarding the possibility of a series-mixed network,
specifically looking for star-feedback connections helps identify prob-
able shunt (current) mixers. Note the shunt-mixer approximation is a
virtual mirror between incoming current i, and feedback current i,
because error current i, is nearly zero.

The closed-loop input resistance of a shunt-mixed negative feed-
back circuit is the parallel combination of the effective open-loop
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input resistance of the circuit (i.e., the parallel combination of R,
and R, ) and its loop-gain-reduced counterpart. Referring to Fig.
4.2b and assuming the output is a voltage, B, is ratio i, /v, or simply
Gy (ie., By is Gyp) and open-loop transimpedance gain A, ., (i.e., Ag))
is ratio v_ /i, or v,/ (i-iy) or (R, || R, )A,, where A is the voltage
gain portion across the forward open-loop amplifier. Because any
variation in voltage causes a change in i, (through R, || R, ) and the
feedback loop responds to oppose that by sinking or sourcing a com-
pensating feedback current i, (via G,), there is little voltage varia-
tion across the input. As a result, the resistance into the feedback
transconductor G, (i.e., R ) is low, as derived from applying a test
voltage (i.e., v,) and dividing it by the resulting test current (i.e., i,),

U _ Y i(Rpor 1Rors) _ Rior I Ro ks (4.23)

; =

R =—=- -
T lors iAo Prs Ao Brg

G.FB

as is the resulting closed-loop input resistance R

allel combination of R ., R, 5, and R

which is the par-

LCL/
1.OLY

AOLBFB 1+ AOLBFB

As a result, shunt mixing reduces the effective input resistance of the
open-loop circuit by a factor of 1 + A, B, the same factor included in
the expressions of most other closed-loop feedback parameters with
respect to their open-loop counterparts. Since the input resistance
(and impedance) can be substantially low and infinitesimally low
input impedances are ideal loads for incoming currents, shunt-mixed
circuits present desirable loads for incoming currents.

The inverting op-amp configuration shown in Fig. 4.64 is a shunt-
mixed negative feedback circuit. The op amp is not a series mixer
because its noninverting input is at ac ground and the star connection
at its inverting terminal mixes the current flowing through resistor R,
and feedback current i_.. In spite the input to the overall circuit is a
voltage, the current the voltage induces is what is being mixed and
processed into the loop, making the feedback circuit a transimped-
ance amplifier. Before applying negative feedback theory, it is often
useful to use standard negative-feedback (and op-amp) approxima-
tions, which in this case amount to a virtual short across the input
terminals and a virtual mirror between i, and feedback current i_, or
ip, (i.e., the current flowing through R)) so i, equals i,,. As such, the
inverting terminal is virtual ground, i, is v, /R,, and v, is the ohmic
drop across R, or —i,R, or -v, R,/R,, which translates to an overall
voltage gain A, (or v,,/v,) of -R,/R,.

Since all impedances affect the circuit, extracting dependent mix-
ing and feedback current and/or voltage sources from two-port

R, IR R, |IR
R =Ry s | R o) H( 0.FB I.OL] _ o 1 8oL (4.24)
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Ficure 4.6 Shunt-mixing example: (a) the inverting op-amp configuration and
(b) and (c) its equivalent two-port circuit decompositions.

equivalent circuit models for input resistor R,, the op amp, and the
feedback network, as shown in Fig. 4.6b, is beneficial because arbi-
trarily opening the loop may otherwise cloak the effects of impedances.
In the case shown, the resistance looking back into R, is simply R,
because input voltage source v, is assumed ideal, so v, and R, present
Norton-equivalent source 7, and resistance R,. Similarly, the op amp
decomposes into Norton-equivalent transconductor source G, open-
loop output resistance R, ; , and input resistance R, . In modeling the
feedback network (i.e., R), it helps to combine the two-port equivalent
circuits into one equivalent two-port model, as illustrated in Fig. 4.6c.
In this combined circuit, the output resistance of the feedback network
(i.e, R, ) is a short-circuit parameter whose resistance is derived when
v, is zero (as not doing so would incorrectly expose R, ., to the effects
already modeled in G,;)), so R, ., reduces to R ;:

v
R

=1 _
=0 iRz R, (4.25)

O.FB

where 7, is the current flowing through R,. Similarly, the feedback
factor’s transconductance G, is also a short-circuit parameter whose
value is derived when v, is zero and reduces to 1/R,:



Negative Feedback

Negative Feedback

_lmp _ 1
Grp 0 =0 Z - R, (4.26)

Finally, and similarly, the input resistance of the feedback network
R, ., is again a short-circuit parameter whose resistance is derived
when v, is zero and reduces to R:

[

o

R =

LEBl, — ¢

=R, (4.27)

=

2

The reason why no other impedance appears in R ., G, and R, .. is
because other parameters in the two-port model already model them,
which is why short- and open-circuit conditions in two-port models
are imposed in the first place, to ensure no single parameter models
the effects already captured by another.

Referring back to Fig. 4.6b, the forward open-loop transimped-
ance gain A, is v,/i,, which, because R, is normally substantially
high and R, considerably low, approximates to —(R, || R))G R :

v
Agor Ef:_(R I R; o IR

)Gy (Roor IR

0. FB I‘FB)

=—(R, l R on I R,)Gy (RO.OL I R;)=—(R, l R, )GVROOL (4.28)

The feedback factor B; is i,,/v, or G
loop tran51mpedance gam A
(because v, = i,/ By =1,/ Byp):

w» Which is =1/R,. The closed-

«c. therefore reduces to roughly -R,

A =Moo TRIRIGRoe o p (409
RELT 1+ AL o Brs 14 {R IR)G, om} 2
R2

The closed-loop input resistance is the loop-gain-reduced version of
the effective input resistance of the circuit, which approximates to the
loop-gain-reduced version of R,

R . = Riou IR, [[Rops - R, ||R, R, (4.30)
1.cr 1+ ARAOLBFB 14 {(R1 Il Rz )GVROAOL} GVRO OL
R,

which can be substantially low. Ultimately, the overall voltage gain of
the circuit (i.e., A, or v,/v, ) is the product of the translation of input
voltage v, into i, which is the ohmic current flowing through the
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Figure 4.7 Shunt- Vbp
mixing example:

\%
(a) a diode- o0 0—{
connected o—{
transistor and ‘2 §>

(b) its small-signal
equivalent circuit.

@ Vb
(o) Load i; l

T Vb g
v 9

(a) (b)

series combination of R, and R
gain A, ., (i.e., v,/i):

v i v 1
A = _0 _ 1 —O = - —R = — (431)
Yo [UIN J( 4 ] (Rl + RLCLJ( et 1

assuming R, ., is significantly lower than R,. As expected, the result
mimics that produced by applying the conventional op-amp approx-
imations when connected in a negative-feedback configuration.
Though not often seen this way, the diode-connected transistor
shown in Fig. 4.7 is also a shunt- or current-mixed negative-feedback
circuit. A negative-feedback loop exists because, as base or gate volt-
age v, or v, increases, the transistor responds by shunting more cur-
rent, whose net effect is to oppose the initial change in v, or v.. The
input terminal leads into the base or gate, which may be a series mixer,
except its emitter or source is at ground so the transistor’s transcon-
ductor is not processing a differential small-signal voltage. In further
identifying the mixer employed, it helps to decompose the circuit into
its low-frequency small-signal equivalent (Fig. 4.7b), where the star
current-shunting connection at the collector or drain is more apparent.
Because there is only one node to this circuit and the input is already
the current coming into the circuit, the output is base or gate voltage
v, or v.. As such, the forward open-loop transimpedance gain A, of
the circuit is v,/i or the parallel combination of r_and r, (i.e., 7 ||7,)
and its feedback factor B, is i, /v, or transconductance g . Closed-loop
transimpedance gain A, ., therefore approximates to 1/g ,

s and closed-loop transimpedance

|

Aror el !
_ ' _ w17 1 (4.32)
R 1+ A oBrs 1+, 1I7) g,
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and closed-loop input resistance R, to the loop-gain-reduced ver-
sion of the effective open-loop input resistance of the circuit, which
reduces to roughly 1/g, :

R . = Rows IR o _ 7T, 1 (4.33)

e 1+ Ag o1 Brs - 1+g, @ 1) ~§

Again, as expected, the resulting closed-loop input resistance mimics
the one derived in Chap. 3 for the diode-connected transistor in the
basic mirror configuration.

Figure 4.84 illustrates a transistor-level embodiment of the more
general shunt-mixed op-amp circuit in negative feedback. As with
the series-mixed example, recognizing the transistor is a small-signal
op-amp equivalent in shunt negative-feedback configuration and
applying virtual-short/mirror approximations dictate small-signal base
voltage v, is equivalent to ac ground (i.e., v, = v, = 0) and input current
i, equals feedback current i,,. As such, the effective input current of the
circuit is v,/R,, which is also equal to the small-signal current flowing
through R, yielding an output voltage that is roughly —v.R,/R,, that is,

Vb
Vb Current v O_{
source Bias
Current O—{ ‘\4
source '\Jv‘fias

N Ry

W —§

Ry
(a) (b)
ii lf VI VU
N " . —+ 10
l Ry \ru | 2

iy 5 S @

S =

54 54

voGrs i% Vgl

()

Ficure 4.8 (a) Transistor-level embodiment of the shunt-mixed inverting op-amp
case and (b) and (c) its equivalent two-port model decompositions.
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a closed-loop gain of -R,/R,, the transistor-level equivalent of the
inverting op-amp configuration gain.

In applying negative feedback theory, as before, it helps to decom-
pose the circuit into its two-port equivalent models and further com-
bine into a single collective two-port circuit to determine the feedback
network’s parameters, as shown in Fig. 4.8b and c. Not surprisingly,
given the similarities between this circuit and the inverting op-amp
configuration, the equivalent two-port model for the entire circuit
resembles that of the op-amp counterpart, which means the feedback
factor’s input resistance R, output resistance R ., and transconduc-
tance G, are R, R,, and —1/R,, respectively. Referring to Fig. 4.8, the
forward open-loop transimpedance gain A, , assuming the output is
avoltage,isv /i or —(r_ || R || Ry )&, (71 || 740 || R, ) and the feedback
factor B, is i, /v or G, so the closed-loop transimpedance gain A, ,, is
roughly -R:

FB’

AROL

A =
REb 14 Ag o1 Prs

_ = IR, 1 Ro)8n oy 7 I Res) (4 5y
L (1 1Ry 1 Ro 5380, (Roy 1 74 | RI‘FB)}

R

2

The closed-loop input resistance is the loop-gain-reduced version of
the effective open-loop input resistance of the circuit, the latter of

which is the parallel combination of 7, R, and R, .,

R TallRil[Rops Ta IR IR,
het 1+ Ag 1B {1_'_ (1, Il R, I R,)8,1 (7, I Tis2 l Rz)}
R,
R

= o TR 435
gml(rol ” rdsz ” Rz) ( )

which can be low. The overall small-signal voltage gain of the circuit
(i.e.,v /v, ) is the product of the ohmic translation of input voltage v,
to input current 7, and closed-loop transimpedance gain A, ., of the
negative feedback circuit (i.e., v /i), the result of which is approxi-
mately —R,/R,, as predicted by virtual-short approximations:

0 l 1Y 1 Rz
=% | || 2| ———|(— =~ ——= 4.36
Ay Uin (Um J[ i ] (Rl + RI.CLJ( R R, ( )
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4.3 Samplers (Sensors)

Sampling a signal in the feedback path is the last basic component of
a negative feedback loop. In sensing, the purpose of the sampler
(shown in Fig. 4.1) is to measure a voltage or current with what
amounts to a voltmeter or ammeter circuit, which is why shunt sam-
pling refers to sensing voltages (because voltmeters are in parallel)
and series sampling refers to sensing currents (because ammeters are
in series), as illustrated in Fig. 4.9. Feedback factor B, feeds back
sensed signal s, to the mixer, forcing feedback signal s, to be a func-
tion of the sensed output. As with the mixer, series sampling, because
the sensing circuit is in series, tends to increase the output resistance
of an open-loop circuit and vice versa for shunt sampling.

4.3.1 Shunt (Voltage) Samplers

The sampling discussion starts with shunt sensing because voltages
are perhaps easier to visualize than currents. Fundamentally speaking,
a series voltage mixer is also a good voltage sampler, if the unused
mixer terminal is not already in the feedback path, that is, if the output
is not mixed into the loop (with a loop signal). As such, the same basic
voltage mixers identified earlier in the series-mixing section (e.g., op
amps, differential pairs, transistors, and difference transconductors)
also apply to the foregoing shunt-sampling discussion, except output
voltage v, is at one of the differential inputs and the other is not in the
feedback path, as shown in Fig. 4.10. Said differently, because the col-
lector (or drain) current of a transistor is its driving output and its mag-
nitude depends heavily on its base-emitter (or gate-source) voltage,
bases (or gates) and emitters (or sources) are good voltage samplers,
but only when the complementary terminal is either at ac ground or

Forward gain

Mixer
Series sampler

Shunt sampler

(@) (b)

Ficure 4.9 (a) Shunt and (b) series sampling in negative-feedback circuits.
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Ficure 4.10 Descending abstraction levels of most common shunt (voltage)
samplers: op amp, differential pairs, transistors, and difference transconductors.

attached to v, Parenthetically, passive voltage dividers also present a
good means of sensing a voltage and channeling its derivative to one
of the above-mentioned sensors or directly into a mixer, so output sig-
nal v, in Fig. 4.10 or feedback signal s, in Fig. 4.1 may also be voltage-
divider fractions of the actual output voltage.

Just as shunt mixing decreases the open-loop input resistance
of a circuit, shunt sampling reduces the open-loop output resistance
by a loop-gain factor, where the open-loop resistance is the parallel
combination of the feedback factor’s input resistance R, and the for-
ward gain’s output resistance R, . As a result, the closed-loop output
resistance is the parallel combination of R, ;, R, and the resistance
introduced by two-port transconductance parameter G, which by rec-

ognizing that the forward open-loop gain A, orv,/s, is G oo Rz
reduces to a loop-gain translation of R, || RLFB,
v v R R
Ry L o _ oo IRy rs (4.37)
‘ i ig U,Bely BrsAoL
S0
Rocr = Ro o 1Ry pp) [ Rg 1

RO.OL H RI.FB (438)
1+ BFBAOL

R [| R
=(RO4OL ”RIFB)”[ O.OLA LFBJ=

BFB OL

In general, any time a shunting effect in a negative feedback exists, be
it in the mixer or sampler, its effect on resistance is to reduce it by a
factor of 1 + A B, Since infinitesimally small output resistances
constitute ideal voltage sources (because no loading resistance affects
its output), many voltage supplies, references, and in some cases, op-
amp output stages employ shunt-sampled negative feedback loops.
Perhaps the most easily recognized shunt samplers are op amps
because their inputs can only process voltages. Two well-known
examples are the noninverting and inverting op-amp configurations
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shown in Figs. 4.4a and 4.6. In both cases, a resistor-divider network
channels the output voltage to the inverting input of the op amp while
the other input is outside the negative feedback loop with either
incoming signal v, zero, or a bias voltage (i.e., ac ground). The output
resistances of these op amps (in inverting and noninverting configura-
tions) are the loop-gain translations of their open-loop counterparts:

Ro o = RO.OL ” RLFB| ~ RO.OL || RI.FB ~ Rz + Rl (4.39)
' 1+ AV.OLBFB |N1 {1_}_ GV(RO,OL ” RLFB )R1:| GVR]
R, +R,

for the noninverting series-mixed shunt-sampled feedback case and

R — RO4OL || RIAFB| — RO.OL || RI.FB
ot 1+ AR.OLGFBL 1+ (RLOL “ Rl ” RO.FB )GV (RO.OL ” RI.FB)
RI.FB
RLFB RZ — Rl + RZ

~ = = 4.40
R o TR N oGy~ RTRYGy ~ RG, (2.40)

for the inverting shunt-mixed shunt-sampled feedback counterpart,
where subscript “NI” stands for noninverting and “I” for inverting,
A, is equivalent to G (R, || R, ), resistance R, , is assumed con-
siderably large, and all relevant two-port parameters used (e.g., G,
R, . and R ) were previously derived in the mixer section.
Similarly, the general transistor-level circuits illustrated in Figs. 4.5a
and 4.8, because they are transistor-level equivalents of the above-
mentioned op amps, yield similar results, except their respective for-
ward open-loop transconductances G, differ. For the noninverting

series-shunt instance, R . is

ocL
_ Roou R
Ot 1+ Ag o Brs NI
- Ry oL 1R pp
2
(87538 m2)Ro o | RLFB)[Rl I _J
1 + gml

2
R, +|R ||—j
2 [1 gml

2
R, +|R ||—J
: [ ! gml

2
(gmlrds3gm2)[R] ” g_)

ml

n

(4.41)
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where “NI” again stands for noninverting, R,, shunts R, (and R, is not

present in the general op-amp case), G, is g, ,7,..8,» and A, ., is equiva-

lentto G (R, || R, sp)- Ry in the inverting shunt-shunt counterpart is
Ry = Rooll RI.FB| _ Roon IR, e
' 1+ Ap 01Grp |1 1+ Ry or 1Ry IR e5)8 0 (Ro or IRy )
R,
R rp R, (g [R)+R,

- Ry on 1R 1R6 #8)8 B (1 IR, I1R,)8,1 - (11 1R}

(4.42)
where “1” again stands for inverting, R, is 7, G, is g ,, and all relevant
two-port parameters used were previously derived in the mixer section.

The diode-connected transistor in Fig. 4.7 is also a shunt-sampled
circuit because the output voltage is at the base or gate terminal and
its emitter or source counterpart is not in the feedback path. The out-
put resistance is therefore the loop-gain-reduced version of 7_|| 7 :

_Roou IR} rs __ 17, L1 (4.43)
O-.CL 1+ AR.OLBFB 1+ (rTC || rg)gm gm

where the parameters derived in the mixer section were used. Note the
output in this case is also the input so R, and R, ., actually describe
the same effect, which explains why they equal one another.

4.3.2 Series (Current) Samplers

Current samplers must necessarily conduct current so op amps and
base and gate terminals are poor samplers, because little to no current
flows through them. Collectors, drains, emitters, and sources, on the
other hand, are better suited to conduct current (Fig. 4.11), and among
these, collectors and drains are easier to identify because, if they consti-
tute the sampling network, ruling out voltage sampling is readily justi-
fiable. Emitters and sources, on the other hand, can sample voltages
and currents, and they do the latter only when their respective bases
and gates are in the feedback path, that is, when the current sampler

©lo  Olo Qo g 2 5
o o] 30 o =0
© © o e o8 @+
& & & VLOOP VLooP VLoopr )
ﬁ! Fol HO! lio iio l’o

(@) (b

Ficure 4.11 (a) Collector/drain and (b) emitter/source series (current) samplers.
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also mixes the output voltage (in series) into the loop, which is comple-
mentary to the voltage-sampling conditions stated earlier in the shunt-
sampler subsection. Note that feedback signal s, must ultimately be a
function of the sensed output s, (i.e., i,)) in the series-sampling case.

Because the sampler senses current, the negative feedback loop
responds to oppose changes in output current as much as its loop gain
allows, in effect regulating i, against variations in output voltage. Infi-
nitely high loop gains produce the characteristics of ideal current sources,
which is why current regulators employ series samplers. The feedback
loop, much like in the series-mixed case, increases the open-loop output
resistance across the sensor by a loop-gain factor, the result of which, refer-
ring to Fig. 4.9, is the series combination of the feedback factor network’s
input resistance R, and the loop-gain translation of the output resistance
of the forward path R, , . Assuming the input is a voltage, for simplicity,
means feedback factor B; is v, /i, (or R, ;A,) and forward gain A is
i,/v, (or G,) and closed-loop output resistance R, , is therefore

R :ﬁ — U_O — URO.OL + URI.FB — (lo + URI.FB AFBGV )RO‘OL + URLFB
O.CL — i i i i
T o) o) o)
_ g +GoR, ) ApgGy IR, o +i0R,
o
=(1+ BrsAor )RO.OL +R; gy (4.44)

as in the series-mixed case. Note series operations, in general, increase
the resistance of a circuit.

One of the more classical series-sampling collector examples is the
degenerated transistor discussed in Chap. 3 and illustrated in Figs. 4.4b
and 4.12. The collector (or drain) is the output terminal, which is a poor

v
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Ficure 4.12 Emitter-degenerated common-emitter (CE) amplifier (a) circuit,
(b) small-signal equivalent, and (c¢) short-circuit equivalent for deriving Norton-
equivalent output resistance R, . .
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voltage sensor, the base (or gate) carries input voltage v, and the emit-
ter (or source) is feedback voltage v, all of which conforms to one of
the conditions prescribed for a collector (or drain) current sensor in Fig.
4.11a. The overall Norton-equivalent output resistance of the circuit is
a short-circuit parameter with v, forced to zero, reducing its small-
signal equivalent circuit (Fig. 4.12b) to the series combination of r_|| R
with the parallel combination of v, ¢ and .

To determine the feedback parameters of the circuit, it helps to
compare the reduced small-signal circuit to the output side of the
general two-port series-sampled case in Fig. 4.9b. Doing so reveals
that the parallel combination of r_and R represents the feedback net-
work’s input resistance R, ., and r, the forward open-loop output
resistance R, . The forward open-loop Norton-equivalent transcon-
ductance gain A_, or i /(v, — v,) is also a short-circuit parameter
where the voltage across 7, is zero, which means A, is simply ¢ .
Feedback factor B, is v, /i or r_|| R. The resulting closed-loop output
resistance R ., is the series combination of R, or 7_|| R and the loop-
gain increased version of R, or 7

Rycr =+ A; o Bep)Ro o Ry =1+, (R 7 )l +(R|[7,)  (4.45)

which resembles what was derived in Chap. 3 for the degenerated
amplifier and the cascode current mirror, whose output is a degener-
ated common-emitter/source transistor. Because emitter current i,
exceeds collector current i_(i.e., i ) by the fraction flowing through the
base, B is larger than r_|| R, but not by much:

ie BB]T +1
Bes =| 5|0 I1R) = B (IR~ [R (4.46)

o BJT

Figure 4.13 illustrates “amplified” extrapolations of the collector-
sampling degenerated transistor case, as a voltage amplifier increases
the loop gain and its resulting effect on the output resistance of the
circuit. In the series-mixed version shown in Fig. 4.134, for example, the
op amp amplifies the forward open-loop transconductance gain A_
fromg toA g  where A is the differential gain of the op amp, increasing
the output resistance from roughly r, (¢ R) to r,(g,A,R). Figure 4.13b
illustrates the shunt-mixed counterpart where input voltage v, is
converted into a current before being mixed into the loop. Applying
negative-feedback approximations dictate feedback currenti , ori isa
virtual mirror of input current i, or v, g . As a result, forward open-

loop current gain A, ., is i, /i, or equivalently, M 's v_ g, - divided by i

Ao =

ii _ ngCng _ {ierol I:gmA(rdsA || rds3 )] B i(’rol}gmc
i i i

e e e

= olgmA (rdsA ” rdsS )ng (447)
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Ficure 4.13 Amplified degenerated-transistor extrapolations: (a) amplified series-
mixed series-sampled and (b) and (¢) shunt-mixed series-sampled transformations,
the latter of which is known as the regulated cascode current mirror.

and B, is i, /i or 1 A/A. The closed-loop output resistance of the
circuit, which is evaluated when i, is zero (as a two-port derivation),
is approximately 7, A, , B or v, 7, A, ~ where A isg (v, [|7,.)-

The circuit in Fig. 4.13c represents a slightly modified version of
the one in Fig. 4.13b where an NPN transistor that resides outside the
loop (i.e., Q,) preprocesses incoming current 7, to define v, and ultimately
set mixed input current i.. The basic current mirror comprising Q, and
Q, sets the value of mixed input current 7, to be approximately equal
to i,. How i, is mixed and i, sampled in the loop, however, remain
unaffected by the addition of Q, so the output resistance remains
7. (8..cAy7,)- Note the circuit is a series combination of two negative
feedback circuits: shunt-mixed shunt-sampled diode-connected tran-
sistor Q, and amplifier-enhanced shunt-mixed series-sampled degen-
erated transistor M. Because the amplification feature A, allows the
loop to better regulate i, against output voltage variations and the basic
function of the circuit is to mirror input current i, the circuit is called
a requlated cascode current mirror, a variation of the mirrors shown in
Chap. 3 with higher output resistance.
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Ficure 4.14 Series-mixed series-sampled source-sensing negative-feedback
(a) circuit and (b) its small-signal equivalent circuit.

Figure 4.14 illustrates the use of a source (or emitter) sensor in a
series-mixed series-sampled negative feedback circuit. The source of
sensor transistor M, is a current (i.e., series) sampler because the source
is the output terminal of the circuit and the corresponding gate is in
the ac signal path—note that if output voltage v, ,, were an input, M,
would series-mix v, with v, .. The output resistance of the entire
loop (Fig. 4.14b) is the parallel combination of the resistance biasing
transistor M, presents (i.e., r, ;) and the closed-loop output resistance
of the negative-feedback circuit (i.e., R, ,); in other words, r,_, is out-
side the negative feedback loop.

In comparing the output side of the general series-sampled negative-
feedback circuit of Fig. 4.9b with this circuit (Fig. 4.14), the parallel combi-
nation of 7,  and the equivalent resistance of transconductor ¢ reduces
to 1/g . (from (R+7,,)/8,."s) and represents the forward open-loop
output re51stance R, o, While R corresponds to the input resistance of
the feedback network R, - Forward open-loop transconductance gain

A o isi /(0. ~-v)orAg /(1+g, 1, .) and, because all of output current i,
flows through the source, feedback factor v, /i or B is R. The closed-
loop output resistance R, ., therefore approximates to (1/g,,)[RA,g,,/
(1+g,,7,.5)] or roughly RA,/g r, . and the overall output resistance of
the circuit to v, || [RA,/ (gm1 dsB)] which normally reduces to 7, ,. Note

, and transconductor current 1 . as a degenerated common—source
tran51st0r comprise a shunt-mixed negative-feedback loop, which is
why R, is low and approximately equalto 1/g, ..

If the base or gate of an emitter- or source-sampling transistor is
not in the feedback path or mixed with the input, as shown in Fig. 4.15,
unlike the series-sampling case of Fig. 4.14, the transistor senses a volt-
age because its transconductor current is a direct translation of its emit-
ter or source voltage. Because dc biasing voltage V. is an ac ground
in Fig. 4.154, for example, small-signal transconductor current i, is

O.CL
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Ficure 4.15 Series-mixed shunt-sampled source-sensor feedback circuits.

approximately (v -0)g , or v ¢ . Note the sampler, as in the voltage-
mixing case, is the transconductor, not the entire transistor. Comparing
the circuit to the output side of the shunt-sampled circuit of Fig. 4.9a
shows that R, is r,, and R, the resistance into the source of M,,

which is (r, +R)/g, .7, or roughly 1/g . Similarly, on further inspec-
tion, A, or vo/ (Ux Ufb) 18 (_AV)(_ng)(RO.OL I RI.FB) or AngZ[rdSZ |1/ gml)]
or approximately Ag ./g . and B, or v, /v is (1/R )R or roughly
8,.R. The closed-loop output resistance of the negative-feedback circuit
is therefore approximately the loop-gain-reduced version of 1/g . or
1/(AngZR)gml'

Injecting the input signal into the sensing transistor’s base or gate, as
illustrated in Fig. 4.15b, has similar effects on the output resistance because,
as before, the transistor senses output voltage v,,. Since the mixer in the
loop creates a virtual short between v.and v (i.e., v is also feedback signal

v,,), loading the output has little effects on v, which is the same as saying
the output resistance is low. Because v, is zero when deriving R, (as
short-circuit two-port parameter derivations dictate), R, is, as before,
roughly 1/¢ and R, is r,,. In this case, forward open-loop gain A,
or v /(v, — v,), because v is (v, - v)g, RAI[-g (R, IR )] is
8. RAg It 1| (1/g, )] orroughly RA ¢  and feedback factor B, orv /v,
is 1 V/V. The closed-loop output resistance of the circuit is therefore the
loop-gain-reduced version of R, ., thatis, R, , is1/g RA g ,as with the
circuit in Fig, 4.15a.

Application of Negative-Feedback Theory
The power behind negative feedback resides on its resulting approxi-
mations and loop-gain effects. Memorizing circuit topologies and
equations help but designing beyond the state of the art demands

m
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deeper understanding. The circuits presented in the previous sections
aim to exemplify the fundamentals of negative feedback with the three-
terminal transistor as its core, as all circuits ultimately decompose into
transistors and their constituent small-signal parameters. The most
basic, yet most powerful feature of a negative-feedback circuit is it reg-
ulates (i.e., controls) its output (when its loop gain is considerably
larger than 1) so that the difference between its mixing inputs is negli-
gibly small, virtually short-circuiting or mirroring the input signals.
The closed-loop gain of the circuit at any point is therefore, and simply,
the gain translation from the virtual short/mirror point. For instance,
output s, is approximately the ratio of s, (or s,) and feedback factor B,
(ie., 5, =55/ Bes =5,/ By or A = 1/By,) and, similarly, error s, the ratio
of s, and loop gain A B, (i.e., s, =5.,/ A, B =5,/ Ag Brp)-

Shunt feedback, whether it is at the input or output, decreases the
impedance of the circuit. At the input, for example, the loop responds
to ensure a virtual mirror exists between input and feedback currents
i, and i ,, producing a substantially small error current i, and there-
fore a negligibly small input voltage v, (across R, and R ). Irre-
spective of the magnitude of i, v, is small, which is equivalent to say-
ing the negative-feedback circuit offers considerably low input
impedance. In the case of shunt sampling, the loop ensures sensed
output voltage v, remains unchanged in the face of changing load
currents. In other words, shunt sampling regulates v, against varia-
tions in output current i, which has the same effects of a change in i,
on v, in the shunt-mixing example—little to no effect on v ,— so the
circuit presents a substantially low output impedance.

Conversely, series mixing and sampling increase the impedance
of a circuit. In the case of series mixing, for instance, the loop responds
to ensure feedback voltage v, equals input voltage v, producing a
substantially small error voltage v, whose implied ohmic current
through input resistance R, is also considerably small (noting i, is
v./R,,)- The small variation that results in input current i, when pre-
sented with an input-voltage excursion is the manifestation of high
input resistance. Similarly, sensing and therefore regulating output
current i, (as in series sampling) against variations in output voltage
v, results in small changes in i in spite of considerable changesin v,
in other words, produces high output impedance.

In applying these generalized conclusions, however, it is important
to identify the mixing and sampling functions. Fundamentally, voltage
mixers (i.e., series) and samplers (i.e., shunt) reduce to base-emitter and
gate-source terminals. Voltage mixers result when input voltage v, is at
one terminal and a loop signal (i.e., v, or v, . ,,) is at the other and voltage
samplers when output voltage v, is at one terminal and the other is any-
thing but a loop signal (i.e., v, or ac ground). Current (i.e., shunt) mixers
result from star-mixing connections between input current i, feedback
current i, and error current i, into base/gate or emitter/source termi-
nals. Because collectors/drains and emitters/sources carry the driving
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current of a transistor, collectors/drains and emitter/sources are good
current samplers, but the latter only when their respective bases/gates
are in the feedback path with a loop voltage (i.e., v, ;) driving them.

Ultimately, determining the circuit’s loop gain is important to
quantify the effects of feedback on resistance. Determining forward
open-loop gain A, and feedback factor B, independently, however,
may not be necessary, not even for stability, which is entirely a func-
tion of loop gain A B... The only motivation for evaluating their val-
ues independently is to ascertain the closed-loop gain of the circuit,
and with the simplifying statements already presented in this regard,
not even then. In practice, when inspecting a circuit, it is often easier
to derive loop gain A B, than its constituent A, and B, parameters
because the latter involves decomposing the circuit into its two-port
equivalent models. The absolute value of this loop gain is the gain
across the loop when mixed input i, or v, in the mixing transconduc-
tor is zero, irrespective of where the starting point is relative to the
input or output terminals of the circuit. A shunt resistance would
then be the loop-gain-reduced version of its open-loop resistance or
approximately R /(A B,;) and the series resistance the loop-gain-
increased version of its open-loop resistance or roughly R, (A, B)-

The easiest means of quantifying the loop gain is to start with a
voltage at a high-resistance node like a gate, base, or op-amp input
terminal and traverse through the loop back to that point. In doing so,
as already mentioned, the mixed input must be zero. This is not always
easy to do at the transistor level because the mixer is inside the transis-
tor and zeroing a transistor’s terminal may, and often does, camou-
flage the effects of transistor impedances r, or r,, 7, C_or C, and/or
C, or Cgp,. The best way to zero a voltage-mixed input v, is to decom-
pose the mixing transistor or op amp into its small-signal equivalent
and zero the mixed-input component of the dependent source that is
mixing s,and s, (e.g., zero v,in (v, - v,.)g,_or (v,— v, )A, toyield -v g
or —v.A ). In shunt-mixed cases, decomposing the incoming signal
into its Norton-equivalent circuit and zeroing or discarding only the
dependent current source, which is the one that carries current input
i, is usually the most straightforward means of opening the loop. Note
the mixer inverts the signal and the resulting gain across the loop is
actually an inverted translation of the loop gain: A B_..

In practice, negative-feedback analysis produces, for the most
part, reasonable approximations, not exact relationships. To start, the
two-port equivalent models used to decipher negative-feedback
effects only estimate and mimic the response of a circuit to first order.
To make matters worse, more approximations result when applying
feedback theory to intertwined loops, such as emitter- and source-
degenerated transistors that also double as mixers or samplers. In
such cases, it is prudent to assume the higher loop gain overwhelms
the others, but only if the ratio between the two loop gains is suffi-
ciently high, like greater than 10.
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Below is a succinct and concise, though brief, summary of impor-
tant conclusions drawn from the foregoing discussion:
1. Feedback signal s, is the virtual short/mirror of 5;: s, = s,.
2. Output signal s, (and A_.,) is the B, translation of the virtual
short/mirror: s =s../B.; = 5,/ By

3. Shunt feedback reduces the open-loop resistance by a factor
of 1+A

4. Series feedback increases the open-loop resistance by a factor
of 1+ A, B

5. Transistor’s transconductance g, is both a good voltage mixer
and sampler.

OLBFB'

6. Current mixers are star connections of i, loop signal i_,, and
error current 7.

7. Collector/drain and emitter/source terminals are good
current samplers, but the latter only when their respective
base/gate terminals carry loop signals.

8. In opening a loop to determine loop gain A B, zero s, only
in the mixing current/voltage source.

9. Feedback approximations include: (a) the use of two-port
models, (b) the assumption that the effects of the higher loop
gain of multiple intertwined loops overwhelm the others’,
and (c) small-signal impedance approximations.

4.5 Stability

A positive-feedback loop, instead of working against the conditions
that force variations across the input terminals of its mixer, helps
external forces increase their differentiating impact on what would
have otherwise been a virtual short or mirror. This positive-feedback
effect is mathematically apparent when loop gain A B, reaches
unity-gain frequency f, . with a total shift in phase of 180° (i.e., A, B,
at f, is —1, as shown in Fig. 4.16a). At this point and under these
conditions, there is positive feedback at f, ,, and A, explodes to infin-
ity at f, . (as illustrated in Fig. 4.16b) because A, 's denominator (i.e.,
1+ A, B approaches zero:

Ao Ao, (4.48)

A =
L1+ A
oPrs Ao Brp=1£180°

The criterion for a feedback circuit to remain stable is therefore to
ensure its loop gain LG or A B, (not forward gain A, alone) has less
than 180° of phase shift at the loop gain’s f, ... Because of this unstable
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Ficure 4.16 (a) Open-loop gain and phase (i.e., Bode plot) and (b) resulting closed-

loop gain responses of a negative-feedback circuit as phase margin (PM) decreases
to its unstable state of 0°.

point, phase margin (PM) refers to how much margin in phase exists at
fous before reaching 180°. Similarly, gain margin (GM) is how much
margin there is in gain below the 0 dB axis before reaching the fre-
quency where the loop gain incurs 180° of phase shift. As a result, the
closed-loop circuit’s proneness to instability (i.e., peaking effects)
increases with decreasing phase and gain margins PM and GM, as
illustrated in Fig. 4.16b.

Each pole shunts incoming signals to ac ground at a rate of 20 dB
per decade (i.e., linearly) past the pole’s location as frequency
increases and phase-shifts (i.e., delays) signals by approximately —90°
a decade past it, —45° at its location, and 0° a decade before it, as illus-
trated in Fig. 4.16a for poles p, and p,. A zero, on the other hand, feeds
forward a signal and increases its magnitude by 20 dB per decade
past the zero’s location and phase-shifts it by +90°, +45°, and 0° a
decade past, at, and a decade before it. Similarly, a right-half-plane
(RHP) zero also feeds forward a signal and increases it by 20 dB per
decade, like a left-half-plane (LHP) zero, but like a pole, phase-shifts
it by —90°, —45°, and 0° a decade past, at, and a decade before it.

Figure 4.16a graphically illustrates the Bode-plot response of a
two-pole system whose pole locations precede f, . by at least one
decade so PM is zero, which constitutes the makings of an unstable
system. Because each pole phase-shifts a signal —90°, there is already
180° of phase shift by the time the loop gain crosses the 0 dB axis,
resulting in zero phase and gain margins. Had the second pole (i.e.,
p,) been within a decade of f ;;, there would have been less than 180°
of phase shift at f,, and more phase and gain margins, attenuating
the closed-loop gain’s peaking effect in Fig. 4.16b, which is a manifes-
tation of instability or growing oscillations at peaking frequency f, ..
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4.6 Frequency Compensation

The general strategy for stabilizing negative-feedback circuits is to
ensure the loop gain (i.e., A B.;) approaches the unity-gain frequency
(ie., f,,) at a rate of —20 dB per decade, as illustrated in Fig. 4.17,
while keeping all right-half-plane (RHP) zeros at considerably higher
frequencies. Conventionally, a single dominant low-frequency pole p,
is established, a secondary pole p, placed near or above f, ., and all
remaining parasitic poles placed at least a decade above f,,, ensuring
an overall phase margin of 45° or greater. Although less often the case,
designers may allow one or two in-band poles and use left-half-plane
(LHP) zeros to cancel their shunting effects within a decade below £, ...
This latter technique is less popular because the system is more prone
to instabilities during start-up conditions, when the gain and its
respective poles and zeros shift before reaching their steady-state loca-
tions. Besides, a rather useful result of a single-pole response is that
the gain-bandwidth product (GBW) along the —20 dB per decade drop is
constant and equal to unity-gain frequency f,,, because the gain
decreases by the same factor the frequency increases (i.e., A, B, is
linearly proportional to 1/s, which is proportional to 1/f past domi-
nant pole p, ). Because regulators suffer from relatively extreme variations
in load, however, allowing one pole and offsetting its effects with a
LHP zero is more acceptable in regulators.

A circuit’s response to a step input change is a time-domain man-
ifestation of phase shift and phase margin PM. More explicitly, delay
represents phase shift and overall settling time (as the output oscil-
lates about its target until it converges) corresponds to PM, which
means multiple poles further delay the circuit and lower PM values
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Ficure 4.17 Stable Bode-plot response of a negative feedback circuit.



Negative Feedback

Negative Feedback 177

increase oscillations and settling time. On one extreme, zero PM pre-
vents the output from settling to its intended target, and on the other,
90° of PM eliminates all oscillations in the response, allowing the out-
put to approach its target without overshooting it. Similarly, 45° of
PM produces less than three oscillating rings in the output before
settling within 10% of its target, extending settling time beyond its
0-90% delay by approximately three f, -equivalent periods (i.e., f
is1/T, ;). Although not always the case, a PM target of 45° is a popular

0dB
design objective for feedback circuits.

4.6.1 Establish a Dominant Pole

Introduce a Low-Frequency Pole

Perhaps the easiest, though not always the optimum means of compen-
sating a negative feedback circuit is to add a pole at frequencies well below
the location of all other poles, as shown with additional pole p, in
Fig. 4.18a. There are two basic drawbacks to this technique the most
important of which is reduced bandwidth, that is, a considerably lower
compensated unity-gain frequency (ie., f,,, is considerably below
uncompensated f, ). Feedback loops with higher compensated unity-
gain frequencies maintain desirable negative-feedback effects on gain
and impedances through higher frequencies, thereby enabling them to
process higher frequency signals, and compensation of any form, unfor-
tunately, necessarily reduces the operating bandwidth from its uncom-
pensated state. The extent to which compensation reduces f ,, indicates
the relative efficacy of the strategy against other approaches. The other
drawback of adding a pole to the circuit may be power, as adding a pole
usually requires more quiescent-current flow because the mere addition
of a node with nonzero finite resistance, to say nothing of the circuitry that
surrounds it, dissipates power when confronted with incoming signals.
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Ficure 4.18 Bode plots for compensated negative-feedback circuits after (a) adding
pole p, to the response and (b) pulling lowest frequency pole p, to lower frequencies.
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A better means of achieving reasonable phase-margin response
is by shifting an already existing pole to lower frequencies, as dem-
onstrated with p, in Fig. 4.18b. There are two basic advantages to this
approach. First, pulling a pole to low frequencies is a relatively easy
solution because doing so amounts to adding a shunt capacitor from
a high-resistance node to ac ground. Second, there is one less pole to
consider, altogether avoiding the drop in gain and shift in phase that
extra pole p, would have otherwise incurred. The net result is that
the compensated shift-assisted unity-gain frequency f, . . can reach
higher frequencies than its pole-added counterpart f, , , (Fig. 4.18b).

Miller Compensation

One of the most convenient methods of establishing a low-frequency
pole is to split two poles with Miller compensation, pulling the low-
est frequency pole to lower frequencies and pushing the next domi-
nant pole to higher frequencies. From a feedback perspective, adding
a Miller capacitor C,, across an inverting stage, as shown in Fig. 4.19,
establishes a negative feedback loop mimicking the inverting op-amp
configuration of Fig. 4.6a, where C,, replaces feedback resistor R,. The
resulting i, i, and i, star connection shunt-mixes the input and there-
fore produces a loop-gain-reduced version of the open-loop input
impedance that is approximately equal to 1/(sC, /A, ), or equivalently,
an input capacitance C, that is roughly A ,C,:

Z
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ZicL = =
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Ficure 4.19 (&) Using Miller capacitor C,, to (b) split input and output poles p, and

p, and

compensate an otherwise unstable feedback circuit.
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As in the inverting op amp of Fig. 4.6a, the output is shunt-sampled
and the closed-loop output impedance Z, ., at higher frequencies,
when C,, is for all practical purposes a short circuit, is therefore the
loop-gain-reduced version of the open-loop resistance, or the recipro-
cal of the op amp’s forward open-loop transconductance gain G, :

R

— ROAOL ” ZI,FB _ 0.0L ”ZI.FB

O.CL_1+A

B 1
ROLFFB 1+ 1(Z o0 1 Z) 56)Gor R o 12 56)]| 5—
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1
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1 1
1+ (RLOL l @J Gor I:RO.OL l (@ﬂ sCy .

f>>
21R; o1 Cp

1
c (4.50)

at or above frequencies where impedance 1/sC,, is considerably
lower than R, (i.e., past 1/2nR, , C, ). Note the loop is open at low
frequencies (that is, impedance 1/sC,, is considerably high) so the
results apply at or above moderate frequencies, when C,, effectively
shorts, which are the same results obtained in the Miller-effect discus-
sion of the common-emitter/source amplifier in Chap. 3.

As a result, intentionally placing a Miller capacitor across an
inverting gain stage in the negative-feedback path pulls its input
pole p, to lower frequencies by presenting an amplified capacitance
C,\ to v, and pushes its output pole p, to higher frequencies by pre-
senting a low-impedance point Z,, to v, Pole p, can therefore
become the dominant, low-frequency pole of the loop, as shown in
Fig. 4.19b, and p, the secondary pole. The resulting compensated
unity-gain frequency f, . . is lower than its uncompensated state f,
but higher than in the previous two approaches: introducing low-
frequency pole p, (i.e., f ;0 > fousa) and only shifting p, to lower
frequencies (i.e., f .5\ > foss)- The drawback of Miller capacitor
C,, is that it also presents an out-of-phase feed-forward path to the
output. This is problematic when feed-forward capacitor current
i., is equal to or exceeds the amplifier’s inverting current (i.e., i, )
because it inverts the polarity of the signal. This inversion occurs at
relatively high frequencies, above RHP zero z,,, which is approxi-
mately at G, /2nC,:

i = (0 = 05)5Cy = (2, = 0)sCy|, _ Sg =iy =G (451)
™M
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where v is zero because, when i, equals i, , no current flows through
, .
the op amp’s Norton—equlvalent output resistance R, . In any case,

Miller-compensated unity-gain frequency f, , ., must remain below z,,

4.6.2 Right-Half-Plane (RHP) Miller Zeros

Shift the RHP Zero

Splitting the first two dominant poles in the feedback loop with a Miller
capacitor is, of course, ideal in compensating a negative feedback circuit,
but the trailing RHP zero limits how high the compensated unity-gain
frequency (i.e., f,,;,,) can reach. This limitation is typically more acute in
MOS circuits because the transconductances of square-law devices fall
short of their exponential bipolar counterparts. A resistor in series with
Miller capacitor C,,, however, as shown in Fig. 4.20a, increases the feed-
forward impedance through C,, and therefore limits (i.e., impedes) feed-
forward current i, , shifting RHP Miller zero z,, to higher frequencies,

(vin B vout) (vin B O)

= - =i, =0.G, (452)
4R, ——+R,
sC, M sCy, 1
ZM:—
2nCy, G——RM
OL

Equating nulling Miller resistor R, to 1/G, shifts z,, to infinitely
high frequencies, except equating these two parameters exactly across
process and temperature corners is not easy in practice. However, a
larger R, (i.e., greater than 1/G) shifts the zero into the left-half
plane (LHP), where it could potentially help increase phase margin.
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/// N
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Ficure 4.20
feed-forward current i,

(a) Using “nulling” Miller resistor R, to limit (i.e., impede) out-of-phase
w and (b) pull Miller zero z to the left half of the s plane to

offset the signal- shuntmg effects of secondary pole P,
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In fact, this LHP zero can cancel the effects of secondary pole p,
(Fig. 4.20b) and allow compensated resistor-assisted Miller unity-gain
frequency f ..z approach its uncompensated counterpart of f .
Again, matching z,, and p, is not trivial, forcing the designer to
decrease f,; .. slightly below f . for margin. Pulling z, below p, is
risky because z,, could extend f, ;. into the parasitic-pole region,
where phase drops quickly and unstable conditions are more likely to
occur.

Eliminate the RHP Zero

Fundamentally, splitting the primary and secondary poles with a
Miller capacitor is strictly a feedback effect, as shunt mixing
increases the effective input capacitance of the circuit and shunt
sampling decreases the output impedance. Consequently, ensur-
ing the ac-signal path through the capacitor is unidirectional in the
feedback sense retains the feedback pole-splitting features of C,,
while eliminating the feed-forward path and the right-half-plane
zero that results (i.e., z,,). Driving C,, with unidirectional unity-
gain voltage buffers in the feedback sense, as shown in the general
case and the transistor-level common-drain (CD) follower embodi-
ment of Fig. 4.21a and b, impress v, on the input terminal of C,,
while blocking feed-forward current into v,. Similarly, channeling
capacitor current i_,, through a unidirectional current buffer, as
illustrated with the common-gate (CG) current buffer of Fig. 4.21c,
steers capacitor feedback current to the input mixer while not
allowing feed-forward current to flow back through the buffer to
v, because the output resistance of the buffer, as seen from v, is
substantially high (i.e., the output drain resistance of a source-
degenerated transistor).

@) ®) ©

Ficure 4.21  Eliminating the feed-forward right-half-plane zero (i.e., z,) a Miller
capacitor introduces with (a) a voltage-buffer and (b) a common-drain (CD)
source-follower embodiment and (¢) a common-gate (CG) current buffer.
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4.6.3 Multiplying the Miller Effect

Replacing the unity-gain buffers in Fig. 4.21 with amplifiers further
multiplies the Miller effects by increasing the loop gain of the circuit.
In the case of the voltage buffer, however, increasing its gain in prac-
tice is more cumbersome because the high-impedance node of the
additional gain stage in the feedback network (e.g., common-emitter/
source amplifier) often presents a relatively low-frequency pole and
controlling its biasing point is not always straightforward. Increasing
the current gain, on the other hand, as illustrated in Fig. 4.22, is more
viable because it tends to introduce higher frequency poles and offer
more stable biasing conditions. The basic idea is to channel displace-
ment capacitor current i, into a current amplifier and applying its
output to v, as the transistor-equivalent shown in Fig. 4.22b does
through a pair of amplifying current mirrors, where the second mir-
ror negates the inverting effect of the first mirror. The resulting
closed-loop input capacitance is a multiplied version of the Miller
counterpart and approximately equal to A /A C,, (where A, is the total
current gain through the amplifying current mirrors) and the closed-
loop output impedance at high frequencies is a reduced version of its
Miller counterpart at roughly 1/A,G; :
1
—IA
[ZOAFBJ :

__Zowm __1 1)1_1
T1vAA  AA|SC, | TsC (4.53)
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Ficure 4.22 (a) General current-mode Miller-multiplied circuit and (b) a transistor-
level mirrored-amplified embodiment.
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As alluded to in the previous discussion, the amplifying current
mirror shown in Fig. 4.22b employs two mirrors because its output
(i.e., Aj.,) must remain in phase with i_,, for negative-feedback con-
ditions to exist. Alternatively, buffering the Miller capacitor with one
inverting current mirror around a noninverting amplifier (i.e., +A4,)
retains the negative-feedback features sought while presenting no
feed-forward paths to v,. Nevertheless, irrespective of the implemen-
tation, current mirrors are relatively benign to the Miller feedback
loop because the poles they introduce normally reside at high fre-
quencies, past the loop’s unity-gain frequency. The reason for this
fortuitous result is the ac nodes in current mirrors offer characteristi-
cally low resistances to ac ground so the poles the parasitic capacitors
produce land at relatively high frequencies.

4.6.4 Left-Half-Plane (LHP) Zeros

Using left-half-plane (LHP) zeros to cancel secondary and/or para-
sitic poles, as done with the nulling Miller resistor in Fig. 4.20, is
another viable, though often costly compensation strategy (in terms
of power and/or silicon real estate). As stated earlier, the zero should
not precede the secondary pole because it would otherwise extend
the compensated unity-gain frequency f, . . into the parasitic-pole
region. One zero can therefore offset the effects of the secondary pole
below f, . - but other zeros should offset those of higher frequency
poles at or above f, .. Outside of the nulling Miller resistor, there are
two other general means of creating a LHP zero, but only as part of a
zero-pole pair combination.
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Passive LHP Zeros
Figure 4.23 illustrates how a series RC load presents an additional zero-
pole pair to the one already expected with any ac node. Modeling an ac
node with its Norton-equivalent output resistance R, _, capacitance
C,..»and transconductance G, __helps highlight the effects of an added
RC foad. Without the additionafRC load, for instance, the pole associ-
ated with the Norton-equivalent circuit occurs at the frequency when
capacitor impedance 1/sC,  equals R, ,at1/2nR, C . However,
adding an RC load as shown changes the frequency response. At low
frequencies, for example, the voltage gain is as before, at GLDOPRLOOP, but
at higher frequencies, when capacitor impedance 1/sC_ is consider-
ably lower than R_ (i.e., past pole p, ), the gain-setting resistance
drops to the parallel combination of RLOOp and R_ (ie., RLoop [l Rz_p).
Leveling the gainto G, (R, IR )atp,, , asillustrated in Fig. 4.23b,
effectively cancels the gain—cfropping effect of p,, . like a LHP zero
would (i.e., zz_p). Generally, a load that includes a series RC combination
to ac ground introduces a LHP zero-pole-pair combination (i.e., z_,
and p_ ) in the frequency response of the circuit.

From a design perspective, with respect to adding a LHP zero,
assuming intentional capacitor C_ is substantially larger than para-
sitic capacitor C, , is reasonable so the pole responsible for the drop
in gain (ie., p,, ) results when equivalent capacitance impedance
1/ sCZ_p shunts RLoop + Rz_p at approximately 1/ 211:(RL00p + Rz_p)C

zp’

1
< 1 =R, +R., (4.55)

Ploop™7¢ RigoptR.,)Cooy

(Refer to the time-constant technique presented in Chap. 3 for an expla-
nation on how to derive poles by inspection.) The zero responsible for

GioopR
Vx GLoop Loop“*Loop

GLoop(Rz-pl IRLoop)

Vioop/x [dB]

RLoop | |

. Pzp

Frequency [HZ] (log scale)
(b)

Ficure 4.23 (a) Passive RC zero-pole pair generator and (b) its resulting
frequency response.
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leveling the gain (i.e., z, ) at higher frequencies occurs when 1/sC_,
falls below R_, the onset of which happens when 1/sC_ ,equals R at
about 1/ 27tR C ;

M1l
=3

o 1 - (4.56)

=72k C.,

At even higher frequencies, capacitor impedance 1/sC,  shunts
the remaining impedance present (which is now R_ || R ) at or

Loo
above roughly 1/2n(R_, || R , introducing yet anotherppole to
the response (i.e., pz_p)

Loop Loop

1
sC Rz r ” RLoop
Loop 1
P2y 2a(R_ IR

(4.57)

Loop)CLoop

In the end, two poles and a zero result: the pole expected with any ac
node (i.e., p,, ), albeit at a slightly modified frequency, and an addi-
tional zero-pole pair (i.e, z_ and p_). As such, p,  can establish the
dominant low-frequency pole in a negatlve -feedback loop and z,

can cancel the secondary pole, and p_, must remain at frequenc1es

well above the compensated unity-gain frequency of the loop.

Active LHP Zeros
Inserting the same RC combination in the feedback path of an inverting
op-amp configuration, as illustrated in Fig. 4.244, or in its transistor-level
equivalent, yields similar results to the pole-zero-pole blend shown
in Fig. 4.23b and now shown in Fig. 4.24b. More explicitly, equivalent
pole-zero pair p, -z results because the closed-loop gain of the
c1rcu1t is flat at Rz/ R, at low frequencies and again flat, but lower
=(R,|IR_,)/R,, at frequencies higher than 1/2nR_C_, when capa-
citor impedance 1/sC, is equal to or smaller than R_ . In other words,

Vloop/Vx [dB]

Frequency [Hz] (10g scale)

(a) (®)

Ficure 4.24 (a) Using a capacitor in the input impedance of an op amp to
introduce a zero in (b) the frequency response.
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1/sC, , reduces the gain by reducing the equivalent feedback imped-
ance (i.e., shorting R, + Rz_p) atp_,

1
sC,.

=R, +R,, (4.58)

P21 2m(R,+R.)C..,

until 1/sC_ becomes smaller than R past z,_, beyond which fre-
quency 1/ sC , is negligible, R dommates, and gain again remains
relatively constant:

1
sC =r
=pl, 1
= 2mR_C,,

Il
=

(4.59)

At even higher frequencies, the closed-loop bandwidth of the circuit intro-
duces yet another pole to the frequency response (i.e., p,, in Fig. 4.23b).
This last pole corresponds to the loop-gain translation of the op amp’s
bandwidth (from negative feedback), which is equivalent to gain-
bandwidth product GBW (or pole p_,,) and equates to the op amp’s
unity-gain frequency f, ., if compensated to exhibit a single-pole roll-off
response.

Asslight and perhaps simpler adaptation of the active filter modifies
the input impedance, as shown in Fig. 4.25a, not the feedback imped-
ance, as in the last case, so that the input impedance changes with fre-
quency. As in the previous example, the low-frequency gain that results
is —R,/R,, but unlike before, feed-forward capacitor C, increases the gain
when impedance 1/sC, shunts R, at and above zero z, (i.e., 1/2nR,C))
and levels only past the loop-gain translation of the op amp’s bandwidth
(i.e., pog, OF unity-gain frequency f, .), as shown in Fig. 4.25b:

— =R, (4.60)

\/

Frequency [Hz] (log scale)
(a) (b)

Ficure 4.25 (a) Using an RC filter in the feedback impedance of an op amp
to produce a pole-zero pair in (b) the frequency response.
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VIN

(a) (b)

Ficure 4.26 (&) Using transconductor G, to channel in-phase feed-forward signals
(and introduce LHP zeros) and (b) a transistor-level embodiment.

Negative-feedback effects cease past the unity-gain frequency of the
op amp, beyond which frequency the output is at the mercy of its
loading capacitance, introducing yet another pole to the circuit (i.e., p,
in the figure).

Just as the Miller capacitor presents a RHP zero by feed-forwarding
an out-of-phase signal, an in-phase feed-forward path as shown in
Fig. 4.26a introduces a LHP zero, if its magnitude is less than that of
its main path at lower frequencies and higher at higher frequencies.
For instance, main-signal current i, decreases with frequency past
1/2nR,C, (i.e., pole p,), and past LHP zero z, ,, when its magnitude is
less than feed-forward current i, i,. dominates and sets (i.e., flattens)
the transconductance gain of the circuit to a higher value (i.e., G,.):

i = UnGIR,G,
2
1+ SR1C1 foos 1; _
eSS
NG, G, .
= —— = = G .
sC, ¢, S N (4.61)

PTG

where z . is G,G,/2nG,.C,. As a result, low-frequency transconduc-
tance gain G R,G, decreases past p, and levels to G, past z .. With
respect to the overall voltage gain of the circuit, capacitor impedance
1/sC, shunts R, past output pole p, at 1/2rnR,C,, irrespective of p, and
z .. that is, before or after p, or z, ., depending on where p, resides
relative to p, and z .. Figure 4.26b illustrates a transistor-level
embodiment of the same concept where one output of a differential
pair constitutes the main signal-processing path (i.e., i -to-i, translation)
and the other the lower gain in-phase feed-forward path (i.e., i;). As

before, the LHP zero (i.e., z,,,,) occurs when small-signal current i,
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drops (because of 1/2nR,C, or p,) past its feed-forward counterpart i,
at gmlng/zngmffcl:

o 20508 Rig,
2 1+sR,C,

1
G

~ 0 '5UINgmlgm2

sC, =iy =0.50, & (4.62)

L 8mi8m2
PP 218 it Cy

4.6.5 Design Objectives

In summary, the overriding objective in stabilizing a negative-
feedback circuit is to pull the lowest frequency pole p, to sufficiently
low frequencies to ensure loop gain A B, falls with only one pole to
unity-gain frequency f, ... Keeping secondary pole p, near f, . trades
settling time for speed (i.e., delay) and optimizes power consumption
because pushing p, beyond f, , requires additional power. Offsetting
the effects of p, with a left-half-plane zero (i.e., z;,;,) helps extend f
(i.e., improve speed and reduce delay) without increasing settling
time (i.e., compromising stability), which means p, and z ,,, can pre-
cedef, . slightly. All other parasitic poles in the circuit should remain
at least one decade above f; (i.e., 10f ;) because, even if their
individual effects on phase are small near f,,, their combined
effect avalanches around 5f .. Naturally existing and additional
left-half-plane zeros slightly above f . mitigate these avalanching
effects, extending the frequency range in which f, , can reside.
Unfortunately, right-half-plane zeros not only extend f, ; closer to
the parasitic pole region but also reduce phase margin so alto-
gether avoiding them is the best approach, and keeping them at
least one decade above f; the next best alternative.

Parasitic poles, in general, bound f,,, so designers aim to elimi-
nate, cancel, or shift them to out-of-reach frequencies. Eliminating
poles amounts to decreasing the number of ac nodes in the feedback
loop, which is why using an arbitrary number of gain stages in the
feedback loop is not acceptable, as more poles compromise the sta-
bility of the circuit. The net effect of limiting the number of nodes,
however, is lower loop gain. While some margin may exist to
decrease the gain across a loop, the gain must remain reasonably
larger than 1 for the benefits of negative feedback to apply. As such,
the designer must shift the parasitic signal-shunting poles that
result from increasing the loop gain to higher frequencies by either
adding localized shunt-feedback loops or decreasing their associ-
ated resistances (e.g., increasing their bias currents) or capacitances
(e.g., using smaller transistors).
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4.7 Summary

The entire field of analog IC design may not all converge on negative
feedback but its direct or indirect dependence to it is certainly preva-
lent in most complex systems today. The fact is negative feedback
provides a means to control and regulate currents and/or voltages
against variations in supply, loading, and environmental conditions
in applications ranging from power supplies and thermostat control-
lers to analog drivers, filters, and data converters. Its most appealing
feature is control, as the loop responds to ensure a virtual short or
mirror exists between an incoming signal and a feedback counter-
part, the ramifications of which are predictable gain and extremely
high or low input/output impedances.

From the perspective of analysis, however, the power of nega-
tive feedback rests on its resulting approximations, as derived from
its virtual short/mirror characteristics. Recognizing how the incom-
ing signal mixes with the loop (and how the circuit samples or
senses the output) is critical because the effects on impedance are
vastly different. Sensing voltages or mixing currents in parallel (i.e.,
shunt), for instance, decreases the impedance by the circuit’s loop
gain while mixing voltages or sensing currents in series does the
opposite. Ultimately, for all this to work, the dc gain across the loop
and mixer must remain negative and considerably greater than one.
A positive-feedback loop, for reference, feeds itself in phase and
causes the output to grow and “rail” against the supplies, or fall into
sustained oscillations. To prevent similar conditions from happen-
ing in a negative-feedback counterpart, the loop gain must not be -1
(or equivalently, 1 £180°) because the denominator of the closed-
loop-gain expression would approach zero and the closed-loop gain
peak to infinity. Losing control over its output in this way is
extremely undesirable, of course, which is why including phase
margin at the unity-gain frequency is so important. Note the loop
gain (i.e., A, B,;), and not the forward open-loop gain (ie., A,)),
must be unity-gain stable.

The general strategy for compensating a negative feedback loop
is to ensure the loop gain has a single-pole response, with secondary
and parasitic poles at or above the compensated unity-gain frequency.
There are several ways to achieve this objective, from adding a pole
and using a Miller capacitor to establish a dominant low-frequency
pole to canceling secondary and parasitic poles with left-half-plane
zeros. Miller compensation is popular because of its pole-splitting
feature, except, if unabated, it also introduces a right-half-plane
zero—series impedances and /or unidirectional buffers can offset and
even cancel those out-of-phase feed-forward effects. Ultimately, irre-
spective of the compensation strategy, the compensated unity-gain
frequency is always below its uncompensated counterpart; and how
close the former is to the latter is a measure of success, albeit at the
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possible cost of power, silicon real estate, and proneness to instabili-
ties. With respect to voltage regulators, one of the most challenging
design aspects is maintaining stable operating conditions in the pres-
ence of a widely variable and unpredictable load. Chapter 5 delves
deeper into the requirements such a load presents and discusses how
and when to address them.
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CHAPTER 5
AC Design

I I The most important feature of a supply circuit is its ability to

regulate the output signal against dc and ac variations in its

load and input supply, which is why negative feedback and
regulators appear hand in hand. In voltage regulators, as illustrated
in Fig. 5.1, the negative feedback loop shunt-samples output voltage
Uoyr to ensure load-current variations have little impact on v, and
series-mixes a sensed version of v . (via feedback voltage v,;) with
dc input reference voltage V. to establish a virtual short between
Ve and v, directly relating and regulating v, . to V... Finite loop
gains, however, limit the efficacy of this regulating short, giving rise
to nonzero load- (LDR) and line-regulation (LNR) effects on the output,
that is, small variations in v, when confronted with changes in load
current and input line voltage v, .

In mobile battery-operated devices, load currents may vary by
several orders of magnitude, from maybe 1-10 pA when idling to
50-150 mA during heavy loading conditions. This variation has a
substantial impact on the frequency response of the regulator’s
output for which the circuit must remain stable. The tolerance and
temperature dependence of the equivalent series resistance (ESR)
associated with the output capacitor exacerbate the variability of
the output filter (C, .. in Fig. 5.1), forcing the designer to accom-
modate worst-case conditions and tradeoff loop gain and band-
width for stability, both of which limit the regulating performance
of the supply.

In most portable electronics today, the linear regulator derives
its power and energy from off- or on-chip switching ac-dc or dc-dc
converters whose outputs carry considerable systematic ac fluctua-
tions at their respective switching frequencies and related harmonics.
Higher quiescent current in the linear regulator affords the designer
more flexibility with which to suppress this noise but the cost is, of
course, higher battery drain current, in other words, shorter opera-
tional life. Higher supply current is especially problematic under
lightloads, which is a prevalent state in mobile applications, because
quiescent current is sufficiently dominant to determine battery life.
Restraining bias currents, unfortunately, constrain loop gain and
bandwidth, degrading LDR and LNR performance across frequency,
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Ficure 5.1 Loaded linear regulator.

especially at and above the unity-gain frequency of the regulator
(i-e., f,,5), when feedback is no longer effective. The objective of this
chapter is to therefore study the stability requirements of a linear
regulator and ascertain their impact on loop gain and bandwidth, in
other words, on load-dump induced variations on v . and power-
supply rejection (PSR). Incidentally, LDR and LNR refer to large-
signal dc performance, load-dump variations to large- and small-
signal transiently induced changes in v, and PSR to small-signal
ac effects.

Frequency Compensation

5.1.1 Uncompensated Response

Decomposing the general circuit shown in Fig. 5.1 into its compo-
nent-level equivalent, as illustrated in Fig. 5.24, is useful in determin-
ing the frequency-response implications of the loaded output.
Although the error amplifier can ultimately take the form of one of
many possible combinations of active and passive devices, its core
must always embed a gain-setting stage with a characteristically
high-impedance node v, so its most basic and somewhat idealized
embodiment reduces to a transconductor (e.g., G,), resistor (e.g., R ),
and capacitor (e.g., C,) combination. The two Norton-equivalent cir-
cuits that dependent transconductor G, resistor R, and capacitor C,
and load current i , resistor R, and capacitor C, comprise model the
effects of the pass device and load, respectively. To complete the
model (and close the feedback loop), the shunt-sampling feedback
network translates v, to v, via a passive voltage divider that con-
sists of resistors R, and R,
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Ficure 5.2 (a) Component-level translation of a loaded linear regulator and
(b) its small-signal loop-gain equivalent.

Although not always the case, the ESR of the output filter capac-
itor C, (i.e., Ry) may be large enough to induce the end user to
introduce one or several high-frequency (i.e., low-ESR) bypass
capacitors (i.e., C,) near the point of load (PoL) with C-to-C, ratios
(i.e., C,/C,) as low as 10 uF/uF. The presence of C,, however, is less
common in system-on-chip (SoC) implementations because the real
estate of the printed-circuit-board (PCB) and the costs associated
with off-chip low-ESR capacitors are often prohibitively large. Nev-
ertheless, capacitors and resistors C,,, C,,and C,and R, and R , within
the context of small-signal loop gain, are in parallel and their indi-
vidual effects on frequency response are therefore analogous, which
is why equivalent bypass capacitance C, and output resistance R, in
Fig. 5.2b often absorb them for simplicity. Note that in the case of
PSR analysis, however, which the next section describes, v, is no lon-
ger zero, which means C, and R, feed-forward ac signals emanating
from v, to v, invalidating the C; and R} reduction.

Loop Gain

The loop gain (LG) of the circuit is the ac open-loop gain through the
mixer and across the loop, that is, the error-to-feedback signal gain
v, /v, 0rv, / (Uref - v, ). This parameter is equivalent to the gain through
the loop when the loop is open, when, for example, feedback-signal
component v, in the mixer (i.e., error amplifier’s transconductor) is
zero. LG is therefore the product of the forward gain G,Z,G,Z/,
where Z, and Z/ represent equivalent impedances at v, and v_,

respectively, and feedback ratio R,/ (R, + Ryp,):

9% __ Y S Regp
HG= v, v ~ Vg, =Ca2aGr%o (RFBl +RFBZJ 6D

e ref
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The error amplifier introduces a pole p, via Z, when C, shunts R,
(i.e., the impedance across C, equals R,), which happens at relatively
low-to-moderate frequencies, at 1/2nR,C,:

el =R, (5.2)

Pa

=21LRACA

To ascertain the effects of composite output impedance Z/ on fre-
quency response, it helps to evaluate the gain across the pass device
(ie., v /v, or G,Z)) atlow frequencies and ascertain what happens
as frequency increases. Accordingly, at low frequencies, when refer-
ring to the Z/ block in Fig. 5.2b (or the simplified version shown in
Fig. 5.3a), C, and C, are open-circuited and Z/ reduces to R/ or the
parallel combination of R(’) and (R, + R;;,), giving a low-frequency
pass-device gain of G,R} or G,[R]|| (R, + R;,)]. At slightly higher
frequencies, in spite impedance 1/sC_ decreases with frequency, the
impedance across C, continues to overwhelm Rigrs which is on the
order of milliohms, reducing the series combination of 1/sC_ and
Ry to 1/5C,. The low-frequency gain therefore remains unaffected
until C, and C, shunt R/, when the combined impedance across C,,
and C; equals or falls below R/ || (R, + R,) or R7, at which point
v, shunts to ground and decreases at 20 dB per decade of frequency,
introducing pole p,, in the frequency response shown in Fig. 5.3b at
1/2nR(C, + C)):

1 1
(RESR +§) || (SC;]

1
" s(C, +Cp) 1

PO 27RE(Co+Cp)

Low Freq.

= R} || (Rggy + Regp) = RS (5.3)

=
E
a
| |m‘
I
Vour!Vq [dB]

% Frequency [HZ] (log scale)

() (W)

Fieure 5.3 (a) Simplified small-signal model of the pass device and
(b) its resulting gain.
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At higher frequencies, when 1/sC, falls substantially below R,
the series combination of R, and 1/sC, reduces to R, ending the
effects of C, on v, Because C; is considerably smaller than C,,
impedance 1/sC; is not yet a short circuit and Z/ consequently
reduces to R} || Ry || (1/5C;) or roughly R, as 1/sC; is also larger

than R, at moderate frequencies. This behavior yields a flat moder-

ate-frequency pass-device gain of G Regg at and above zero b when
impedance 1/sC, equals R, at 1/2nC R .
1 =R (5.4)
sC, . = Resr .

ZESR =
R 2mR 6k Co

At these (and higher) frequencies, G, Ry and CB' determine the gain
across the switch and C, and R no longer incur noticeable effects. As
frequencies further increase, C; shunts v_ when the impedance across

B
C, falls below R, which happens past };ole pyatl/2aR, Cr:

ESR/ ESRB*

1
sChl ESR
B R erCh

(5.5)

Deriving the full expression for Z/ algebraically yields

R (1+5ResrCo)

§"RIR 6z CoCh + S(RS + Ry )C,y + SRYCH +1

Z!
0
EsR)

RZ(1+5RgsrCo) (5.6)
$"RER s CoCh +5RG(Co +Cp) + '
The numerator in Z] carries the aforementioned zero (i.e., z.g)
explicitly and the denominator decomposes into output and bypass
poles p, and p,. Note that extracting p,, and p, from this more explicit
expression is easier when realizing R, is substantially smaller than
R} and C, larger than C;; in other words, R} + R, and C, + C;
reduce to Ré’ and C,, respectively. As a result, because the s% term is
negligibly small at low frequencies (i.e., s* term can be discarded)
and R is substantially higher than R, (i.e., R} + R, reduces to
R}), the denominator gives rise to p,. Similarly, the s*> and s terms
are considerably larger than 1 at high frequencies so discarding the
s’ term (i.e., 1) in the denominator, factoring s, and using C, for C, +
C, exposes p,. In summary, as seen in Fig. 5.3, Z/ introduces two
poles (i.e., p, and p,) and one zero (i.e., z..;) to the loop gain of the
regulator.

Ultimately, the overall loop gain of a linear regulator has three
poles and one zero: error amplifier pole p,, output pole p,, bypass

ESR
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pole p,, and ESR zero z ;. Referring to Fig. 5.2b, the low-frequency
loop gain (i.e., LG,}) is

LG = GARAGPR”BFB

O

Rrp2
=GaRAGPRL||Rp||(Rps1+ R —_— 5.7
ARAGPH[RL || Rp || (Rep1+ Rrpr)] (RFBl+RFB2) (5.7)

and the overall loop gain across frequency is

S
1+ —
LGLF[ + ZTCZESR]

S S S
(l+2npA](1+2npo][l+ zanj

R
GA RAGP[RL l Rp [ (Ryp + RFBZ)](%){1+SRESRCO}

LG=

FB1 + RFBZ

{1+SRACA}{1 + [RL ”Rp” (R}:B] + R}:Bz)](Co + CB + CL + Cp)} {1+SRESR(CB + CL + Cp)}
(5.8)

whereR ||R,, R, ||R, || (R, + Ryy,), and C, + C, + C, comprise R/, R/,
and C;, respectively. Figure 5.4 illustrates the generalized, though
uncompensated loop-gain response of a linear regulator. Note C,
suppresses transient-induced output voltage fluctuations, which is
why C, is typically large, anywhere from 1 nF for low-power regula-
tors to more than 10 uF for higher power applications, placing output
pole p,, at relatively low frequencies. High loop gains are similarly
desirable because the ability of the circuit to regulate v, against load
and line variations is directly proportional to this gain. As a result, for

GAR,GpRY
Po O pa
3
o
= 1 O
jo

< =
E o0 ¢
g G
i 4 f180° —180° %
19 -7 =
Q (=W
-

0dB t

l\
Frequency [Hz] / (log scale)

JoaB

Ficure 5.4 Uncompensated loop-gain Bode-plot response of a linear regulator.
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moderate gains, the error amplifier normally requires a high-impedance
node that necessarily places a pole (i.e., p,) at relatively lower fre-
quencies. Which of these two poles precedes the other depends on
the circuit, and more specifically, on the type of power device used.

At first glance, ESR zero Zpr S€EMS to save phase, but in practice, its
location is highly unpredictable and therefore unreliable. The fact is ESR
resistor R, varies considerably across process and temperature and
characterization data is generally poor, the latter of which implies simu-
lation models are correspondingly deficient. As a result, z,., may or may
not lie within the bandwidth of the regulator, and intentionally adding
series resistance to C,, to keep z,, within band only degrades transient-
response and PSR performance, as partially discussed in Chap. 1 and
later addressed here, in this chapter. The same variation applies to bypass
pole p, because it also depends on R, which explains why p, tracks z,.,,
with respect to variations in R .. Pole p, is always at higher frequencies
than z.., by a p,/z,, ratio of approximately C_/(C, + C,+ C) or C,/C,;
in other words, p, is the product of C,/C; and z,,.

In general, relatively high-power breadboards and printed-circuit-
boards (PCBs) often include z,, and p, within the bandwidth of the
regulator because high-power loads are physically displaced from C,
and attached to low-ESR capacitors for better transient and PSR
response, forcing the designer to use high bypass capacitances. Con-
versely, lower power system-in-package (SiP) and system-on-chip
(SoC) solutions place the regulator near their respective, but now lower
power loads, at the point of load (PoL). The proximity to relatively
lower power loads often negates the need for bypass capacitors and
exorbitantly high output capacitances, the latter of which may afford
the designer the flexibility of using high-frequency output capacitors,
effectively reducing R, to the point where its effects appear well
above frequencies of interest. Eliminating z,, and p,, however, still
leaves a potentially unstable two-pole response, and that is excluding
the parasitic poles the error amplifier introduces, which are often dif-
ficult to place at high frequencies under low-power constraints.

5.1.2 Externally Compensated Response

The dominant low-frequency pole of the externally compensated circuit,
by definition, as applied to this textbook, is at the output of the regula-
tor. To keep output pole p, dominant, it is convenient to use large
output capacitors and p-type pass transistors in common-source con-
figurations because they offer higher RC time constants. In the case of
a PMOS device, for instance, transconductance, resistance, and capac-
itance G,, R, and C,, are small-signal transconductance, drain-source
resistance, and drain-bulk capacitance g , 7, , and C .. The aspect ratio
of the power transistor is typically large with as short a channel length
as the lithography and breakdown limits of the process allow because
short-channel lengths drive higher currents while introducing lower
parasitic capacitances, in other words, because short-channel-length
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devices are faster. As a result, PMOS channel-length modulation
parameter A can be as high as 0.1 V™, producing output resistances
around 0.1-10 kQ when confronted with 1-100 mA loads (i.e., r,_ is
roughly 1/, where I, is the steady-state load current and the quies-
cent current flowing through the feedback network is negligible when
compared to [)).

These small r_ resistances are typically well below feedback and
load resistances R, + R, and R, reducing the low-frequency output

FB1 FB2
resistance and output pole (i.e., p,) tor, and

1 I,
Po = omr (C,+Cy+C, +Cp)  2m(Co+C,y+C, +C

(5.9)

DB)

respectively, with the latter being directly proportional to steady-state
load current I,. Because I, normally spans four decades or more of
steady-state current variation (e.g., from 5 pA to 50 mA), p, shifts by
an equally expansive range, as illustrated in Fig. 5.54. Although the
gain across the pass device at low frequencies (i.e., A,, which is
roughly G,r,) and output pole p,, are directly and inversely propor-
tional to r,, the gain-bandwidth product of the loop (i.e., GBW, .,
which is proportional to A,p,) and, by translation, the resulting unity-
gain frequency (i.e., f,,; ;o Which is proportional to GBW,, ) do not
escape the effects of a variable load. To be specific, A,’s dependence
on the transconductance of the pass device (i.e., G,) allows variations
in I, to shift f, . ... with the square root of those changes (i.e.
is directly proportional to Al */%):G

’deB.MOS

s W,
GBWoyios = ApPo o gmmrwi = ZIL(T)KP oc \/ﬂ (5.10)

ds

fU)  fAL)
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Ficure 5.5 Frequency-response variation space for externally compensated
(a) common-source (CS) PMOS and (b) common-emitter (CE) PNP regulators.
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Unlike the PMOS case, the transconductance of a PNP device is
roughly I,/V,, in other words, linearly proportional to I, so its effects
on gain-bandwidth product GBW . and unity-gain frequency f, ; .\p
are more significant, shifting them with Al , instead of AI Ll/ 2 as illus-
trated in Fig. 5.5b:

r 1

gﬂh 0
pPo e SN = 1 el (5.11)

0 t

GBW,,, = A

The pole variation of the PNP case mimics the PMOS version because
r (asr,)is inversely proportional to I :

1 I,

P~ ~ (5.12)
O 2mr(Co+Cy+C, +C.) 2mV,(Co+Cy+C, +Cp)

where C_.is the parasitic collector-substrate capacitance of the transis-
tor. The low-frequency gain across the PNP transistor, however,
unlike the MOS case, is independent of I, because g, .. ,'s direct linear
dependence to I, cancels r's inverse linear dependence: g .../, is
I,/ V)(V,/L)or V,/V,

Equivalent series resistance (ESR) variations further expand the
frequency range where unity-gain frequency f ., resides. On one
extreme, ESR resistor R, may be sufficiently small (at maybe less
than 25-50 mQ) to push z_, and p, well above f, , and allow the gain
to continually drop at 20 dB per decade past p, and yield a relatively
low f, ;- On the other extreme, R, may be large enough (like for
instance, greater than 50-500 mQ) to pull z,, and p, within frequen-
cies of interest and extend f ,, by the frequency ratio of z_, and bypass
pole p, (i.e., extend f, . by a factor of C_/C,), as seen in Fig. 5.5. Pole
p, must therefore reside at or above this highest possible worst-case
frequency location of f, .. Ultimately, f, .’s net maximum-minimum
ratio (i-€., f,ipmay/foanmin) T€PTESENtS the compounded effects of varia-
tions in I, on the gain-bandwidth product at lower frequencies and
the possible presence of zero-pole pair z-p, on f,,, at moderate
frequencies:

deB(max)I’MOS _ (GBW(max)J pB(max) - IL(max) CO(max) (513)
[ oapminypvos  \ GBW min )\ Zesrmin) Tyminy )\ Comin

and

deB(max).PNP _ GBW(max) pB(max) ~ IL(max) CO(max) (514)
f 0dB(min).PNP G Bw(min) ZESR(min) IL(min) C]; (min)
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for the PMOS and PNP cases, respectively. The maximum-minimum
unity-gain-frequency ratios resulting from a load that demands 1-100 mA
with 1 uF and 0.1 pF of output and bypass capacitances, for example, are
100 and 1,000 Hz/Hz, respectively, for the PMOS and PNP cases.

The highly variable frequency response just described presents
several challenges. For one, the error amplifier must comprise low-
resistance and low-capacitance nodes to produce poles (e.g., p, and oth-
ers) that reside at relatively high frequencies. This condition is difficult
to satisfy when considering the amplifier must also yield high gain for
load- and line-regulation performance, for which large resistances are
generally necessary, and drive the large parasitic capacitance the power
pass device presents. Second, guaranteeing a high unity-gain frequency
for reasonable load-dump and supply ripple-rejection performance
amounts to increasing low-frequency loop gain LG, , and pushing p,
and all relevant parasitic poles to even higher frequencies, requiring
more quiescent current, producing lower power efficiency, and shorten-
ing single-charge battery lifetime. These design constraints under the low-
quiescent current requirements typically attached to battery-powered
solutions force the lowest worst-case loop gain and unity-gain fre-
quency to remain at approximately 40-50 dB and 10-100 kHz.

In optimizing loop gain, bandwidth, and quiescent power, sev-
eral worst-case corner conditions may result. The lowest worst-case
foup location occurs when z,, and p, are high (i.e., R, is low), p,, is
low (i.e., C,, C,, C,, and C, are high and I, is low), and the gain across
the pass device is low, which happens at the weakest process and
temperature corner of the pass device. One worst-case stability con-
dition usually results when f , extends into the parasitic-pole region,
which corresponds to low z,, frequencies (i.e., high R, values), high
p, frequencies (ie., low C,, C,, and C, values), high p_ frequencies
(i.e., low C, and high I, values), and high gains (which occur at the
strongest process and temperature corners of the pass device). The
other worst-case stability scenario results when the ESR zero resides
one or more decades above f, ., where it no longer saves phase, which
occurs with low R, values, leaving a possibly unstable two-pole sys-
tem, if output and error-amplifier poles p, and p, reside at higher
frequencies (with, for instance, high I, and low C,, C,, C,, and C, values).
The highest low-frequency loop gain possible corresponds to the first
worst-case stability condition because higher loop gains further
extend f, ., which means loop gain must remain below an upper
bound (e.g., less than 55-60 dB) to preventf, . from creeping to higher
frequencies. Generally, the tradeoff corners of a PNP pass device may
be more difficult to manage because of its increased gain-bandwidth
product and resulting f .. variations with respect to I,.

5.1.3 Internally Compensated Response

The dominant low-frequency pole of internally compensated regulators
is inside the negative-feedback loop, that is to say, not at the output,
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as in the externally compensated counterparts. To keep output pole
p,, at higher frequencies, it is convenient to use smaller output capac-
itors and n-type follower pass transistors because they offer lower RC
time constants. As discussed in Chap. 3, the gain across these devices
is roughly unity and relatively insensitive to load current I,. As a
result, because the error amplifier’s gain is also relatively indepen-
dent of I, the gain-bandwidth product of the loop GBW and its cor-
responding unity-gain frequency f, . are relatively insensitive to
variations in load current I, as illustrated in Fig. 5.6a:

ng/I
1+ gm 1

2nR,C, 2nR,C,

GBWy =< App 4= #1; (5.15)

Miller-compensated p-type transistors are also useful in inter-
nally compensated regulators because they introduce a gain-setting,
dominant low-frequency pole that resides inside the loop (as p,)
while simultaneously pushing output pole p, to higher frequencies.
As in the follower case, gain-bandwidth product GBW,, and unity-
gain frequency f ... —are independent of I, as shown in Fig. 5.6b,
because pole-setting capacitor C, is, for all practical purposes, directly
proportional to the gain across the p-type transistor, assuming Miller-
compensating capacitor C_ is considerably larger than all other para-
sitic capacitors:

o _ ngg ~ ng(’DI 1 5.16
CBWaier = AP = 30k~ 7R, (g RiCo) ~ 2nR,c, ~ b ©O16)

f(Process) B 1: <{ Lz f(Process) J: (i LZ
FNET po A IR
= NYN/_\/ J(foaBminy/Pocminy)

) =)
M =
Em g1 ——— P-Type
= ns deB Miller  miller device

S < 0 dB | = | !
< £ | | T
g 3 Freq. [Hz]

5 P Dg

o (=]

g S - > ,
— == S(Co/CB) 4 = =7 f(CyICh)

JS(Rgsgr)
(a) (b)

Ficure 5.6 Frequency-response variation space for internally compensated
(a) ntype common-collector/drain (CC/CD) follower and (b) p-type common-
emitter/source (CE/CS) Miller regulators.
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Output pole p, depends on output resistance 1/g, in both the fol-
lower and Miller-compensated cases, and because large output
capacitors are desirable (for transient performance), its location may
nominally lie below the unity-gain frequency of the circuit,

. gm _ gm
Po=am(C,+C}) ~ 2m(C,+Cy+C,+C,)

(5.17)

Again, because load current I, traverses several orders of magnitudes
and R, spans a wide range of values across process and tempera-
ture, ¢ and consequently p,, z,,, and p, vary substantially, which is
why p,, under extreme conditions, may precede both z ., and unity-
gain frequency f .. As in the externally compensated regulator, the
presence of z,., extends f . and variations in I, through changes in
P, expand its range. Note there is no change in gain to offset changes
in p, and p, does not always lie below f, .. The lowest possible p,,
frequency must be high enough, in the absence of z,., to assure stable
conditions for the negative-feedback loop, limiting the extent p,
expands f, ;s variation space to less than a decade, for placing p, a
decade or more below f, . decreases phase margin to prohibitive lev-
els (e.g., to zero):

deB.Int(max) _ deB.Int pB(max) <10 CO(max)

= < (5.18)
fod Intemin)  \ Pomin) )\ ZESR(min) Chminy T Cpminy T Crmin
where f .. generally refers to the unity-gain frequencies of inter-
nally compensated regulators.

Again, the highly variable frequency response just described
presents a number of design challenges. In this case, output pole p,
must remain at relatively high frequencies, which is difficult because
output capacitor C is necessarily large to mitigate the impact of fast
load dumps on output v,.. Maintaining high bandwidth is also dif-
ficult when considering light-to-zero loading conditions pull p, to
considerably lower frequencies, closer to p,, the worst-case result of
which arises when z_ is above f, .. (when R, is low) and unable to
save phase. These constraints typically limit the output capacitance
of the circuit to relatively lower values, curbing the regulator’s ability
to suppress high-power load-dumps variations in v . and therefore
constraining the circuit to lower power applications, where load
dumps are more manageable.

In optimizing loop gain, bandwidth, and quiescent power, simi-
lar worst-case-corner conditions to the externally compensated regu-
lator result. The lowest worst-case unity-gain frequency (i.e., f, ), for
instance, occurs when z, is absent (i.e., R, is low) and not able to
extend f, . to high frequencies, p , is low enough (i.e., C, is high and I,
low) to pull £, to lower frequencies, and the gain across the pass
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device is low (which occurs at the pass device’s weakest process and
temperature corner). The same conditions, with the exception of high
gain (i.e., highz ., low p_, and the strongest process and temperature
corner), may also produce a worst-case stability condition because no
zero exists to salvage the phase shift induced by p, and p,. Another
worst-case stability situation may result when f, . extends into the
parasitic-pole region, when z . is low (with high R_., values), p, high
(with low C,, C,, and C, values), p, high (with low C_ and high I,
values), and gain high (at the strongest process and temperature
corner). The lowest loop gain corresponds to the second worst-case
stability case, except at the low-gain process and temperature corner,
because a higher loop gain would otherwise extend f, , in the stron-
gest corner into the parasitic-pole region, where stability may be
compromised.

Power-Supply Rejection

Power-supply rejection (PSR), or as is also commonly known, power-supply
ripple rejection or ripple rejection, for short, refers broadly to the ability of a
circuit to regulate its output against low- and high-frequency small-
signal (i.e., ac) variations in the input supply (i.e., line voltage). PSR is
therefore defined as the complement of supply injection, or equivalently,
the reciprocal of supply gain A, the latter of which is the small-signal
variation in output voltage dv,, , or v that results in response to small-
signal changes in input supply v, (i.e., dv,, or v, ); in other words, A  is
the ac supply-output gainv_ /v, :

out

PSR=——=_IN — _in (5.19)

Similarly, but with respect to steady-state signals, LNR is supply gain
A, at low frequencies (i.e., at steady state), in other words, dc varia-
tions in v, or AV . in response to steady-state changes in v or
AV . Because LNR applies to the linear region of the regulator, which
means large-signal changes in v, have a linear effect on v, just
as small-signal v, _has on v_,, LNR is the complement or reciprocal
of PSR at low frequencies (i.e., PSR, ,), which is equivalent to low-
frequency supply gain A

IN.LF*

AVour _ 9%ur 1
= =~ — = = —_— 5 .20
NR=3v. = o0 Anir = PSR (.20

IN' I ow Freq.

It is unfortunate that “power-supply ripple rejection” produces
the same acronym as “power-supply rejection ratio” (PSRR), which
designers most often apply to amplifiers, not regulators. The two
terms are related and similar but not the same. The latter, for instance,
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refers to how much a circuit favors changes in input signal over vari-
ations in the supply so the ratio of input-output gain A, to supply-
output gain A, sets PSRR:

A
A

PSRR =~V (5.21)

DD

unlike the former, which refers to how much a circuit is able to reject
supply ripples—the reciprocal or inverse of supply-output gain A
(or equivalently A " or A 7). Applying a supply ripple to an opera-
tional amplifier in unity-gain configuration, however, which resem-
bles a linear regulator setup, is a rather useful means of extrapolating
the PSRR performance of an operational amplifier because, as A
transfers ripple v,, to v_, unity-gain feedback produces a loop-gain
translation of the same at v, which roughly equals PSRR:

Vout = YaaApp + Vg Ay = VgaApp ~ Vour Ay (5.22)
or
Yas _ _ App _ A _App_ 1
Vou  1+ABg|, | 1+A, A, " PSRR (5.23)

This approximation is only valid, with respect to PSRR, as long as
forward gain A, is considerably larger than 1 V/V, in other words,
up to unity-gain frequency f, ., which is where PSRR differs from
PSR, because the latter is accurate past f, ;. Ultimately, to avoid con-
fusion, this book only uses acronym PSR to refer to ripple-rejection
performance.

5.2.1 Shunt-Feedback Model

Since PSR is nothing more than the inverse of supply-output gain
A oro /o, it helps to decompose the linear regulator into its
voltage-divider (or impedance-ladder) equivalent. Series feedback-
network resistance R, + R, load-impedance combination R, || (1/sC)),
and filter capacitors, for instance, as illustrated in Fig. 5.7a and b,
comprise lower ladder impedance Z,, where dc load current I, is
an open circuit for small-signal analysis. Impedance Z  differs
from Z/ (as discussed earlier) in that the latter, through C; and R/,
(and R)), includes pass capacitance C, and resistance R, and only
applies to loop-gain analysis with respect to frequency compensa-
tion, where v is an ac ground (i.e., zero). Supply voltage v, in
this case, is an ac source and the pass device consequently offers
a direct feed-through impedance path to v, through R, and C,
(i.e., via Z,).
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Ficure 5.7
voltage-divider equivalent.

(a) Linear regulator and (b) its power-supply rejection (PSR) small-signal

The transconductance of the pass device (i.e., G,) is the means
through which shunt-sampled feedback asserts its effects. It may
also carry supply-dependent signals, as with a p-type pass device
where the output current is proportional to the difference between
v, and shunt-feedback signal v,, but not always, as in the case of
n-type followers. Generally, though, the transconductor always car-
ries shunt-feedback signal v,. Neglecting, for the time being, v,
components in transconductor G, whose effects will be addressed
shortly after this discussion, the equivalent impedance G, presents
from v, to ground (i.e., Zg ), as shown in Fig. 5.7b, is the shunt-
feedback-reduced version of open-loop output impedance Z, || Z,
(.e., Zg . is (Z,|| Z,)/ Ay Bsp)- Since loop gain A B, is itself a func-
tion of Z, [|Z o however, Z,,  reduces to the reciprocal of loop-gain
transconductance i_,/v_ (i.e., G.) or 1/BA. G, where A, is the
gain across the error amplifier and B, the feedback factor through
RFBl and RFBZ:

v v 1 v 1

Zgum=—Lzceto 2 - Tot (5.24)
St g e Gop o UauBrsAeaGp  BrsApaGp
or
1 Z,||Z Z |z
Z s _ZelZo (5.25)

Shunt = B AL Gy BrelAeaGr(Zo 1 Zo)] BrsAor

where v, and i are generic ac test signals used to determine the
impedance from a particular point to ac ground. This result corrobo-
rates general shunt-feedback analysis whose closed-loop output
impedance Z, , is the loop-gain-reduced translation of open-loop
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output impedance Z, ., in parallel with the input impedance of the

O.0L
feedback network Z, ., or simply Z || Z;:
ZannZolZp) _ ZollZp  _Zoo 12
7 _7 7 17 =Zsun'CollZp) _ Zoll%p _ ZoolL I Zrre
oct = Zsnun 120122 Lo o 1Zp) 1+ Ag B 14+ Ag By
(5.26)

The model presented in Fig. 5.7b also makes intuitive sense in that
shunt feedback presents a shunting impedance (i.e., Z, )tov,, ., that
istosay, to Z,,.

Shunt ouT’

5.2.2 Feed-through Components in G,

Common-Mode Concept

As mentioned in the previous discussion, transconductor G, in the
pass device may also feed v, -dependent components to v_ , which
are, of course, undesirable in linear regulators. These adverse feed-
through effects depend on how the pass transistor and error ampli-
fier relate at the circuit level. In considering n-type pass transistors,
for instance, as shown in Fig. 5.84 and b, the n-type followers, for all
practical purposes, impress and replicate whatever v, -dependent ac
signals are present in v, onto v . As a result, within the context of
linear regulators, no v, -dependent ac components should exist in v,
when using n-type switches (Fig. 5.8b). In other words, gate-source
and base-emitter terminals should be common mode with respect to
each other—in this case, if the gate or base terminal does not carry
noise, neither does the corresponding source or emitter.

VIN VIN VIN VIN
LY O N oON oON
VA VA VA VA
~N NJO — —0
OXaY, OXaY © = © =
Yout Yout Your Your
(a) (b)
VIN VIN VIN VIN
@ N © N © N © N
Va VA VA VA
N NJO — —_—0
© — ©— Olal Olal
Your Yout Yout Yout

© ()

Ficure 5.8 lllustration of the effects of common-mode signals on output v,
in (a)-(b) n-type and (¢)-(d) p-type transistors.
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P-type pass devices present an entirely different scenario. To elim-
inate v -dependent ac signals (i.e., v, ) from feeding through the tran-
sistor to v, feedback signal v, should carry the same v, -dependent
ac signal (i.e., v, should be v, ) so that the resulting transconductor
current i and therefore small-signal output voltage and supply gain
A are zero with respect to v, :

— Uout — loZO — (vin _vu)ngO

IN.P(v,=vin)
oo vin vin vin

A =0 (5.27)

That is to say, gate or base signal v, must be common mode with respect
to its corresponding source or emitter, which carries v,_ in this case. If
on the other hand, v, has no ac dependence to v, , the p-type pass
device becomes a common-gate (CG) current buffer amplifier to v,
producing a nonzero ac transconductor current i and consequently a
nonzero and in-phase ohmic voltage drop across the output and a
nonzero A, value:

— vout — IOZO — (Uin _va)ngO
IN.P(v,=0) 0. v )

in in in v,=0

A =2.Z0 (5.28)

Generally, as with n-type devices, gate and base terminals should be
common mode with respect to their source and emitter terminals,
which is another way of saying p-type gates and bases should carry
the same noise present at their respective sources and emitters: v, .

Current Mirrors

Current mirrors, as expected, replicate all v, -dependent ac currents
they receive at their inputs in their outputs. Ground-referenced (n-type)
current mirrors, for instance, as shown in Fig. 5.94, sink whatever ac
currents flow into their inputs (e.g., i, = v, /R) at their outputs via
their respective output transconductance sources (e.g., i, = i, ~ 0, /R),
assuming the resistance of the diode-connected input transistor (i.e.,
1/g,) is substantially smaller than any other resistance in its vicinity.
Similarly, supply-referenced (p-type) mirrors (Fig. 5.9b) source what-
ever ac currents their inputs conduct through their respective output
transconductance sources.

The most significant conclusion to draw from these observations,
from the perspective of PSR, is the direction, or equivalently, the
polarity of the ac signal that appears at the output. Ground-referenced
mirrors, for example, subtract v -dependent ac components from
their outputs while their supply-referenced counterparts do the
opposite: add. This fact is useful in creating common-mode signals,
as will be discussed shortly.
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(a)

Ficure 5.9 Supply ac signals in (a) ground- and (b) supply-referenced current mirrors.

VBiasD

Ground-Referenced Differential Amplifiers
What is perhaps most important within the context of linear regula-
tors is how error-amplifier voltage v, relates to v,; in other words,
what the error amplifier’s supply gain A (or v /v, ) is. Figure 5.10
illustrates the schematic and small-signal translation of a differential
amplifier (e.g.,, MD1-MD2) loaded with a ground-referenced mirror
(e.g., MM1-MM2). Since the shunt-feedback model presented earlier
already accounts for feedback effects in the output of the regulator,
the ac input signals of the amplifier, for the foregoing analysis, are 0
V. Because both inputs are at the same bias potential (e.g., V), dif-
ferential pair MD1-MD2 decomposes into its common-mode half-
circuit equivalent so twice the tail current resistance (ie., 2r . .)
degenerates each side of the differential pair with respect to small
signal v,_. Replacing the degenerated transistors by their degenerated-
equivalent resistances R, which roughly equate to 2¢ __r. 7. .. (ie.,
= 8 ol a2l g T T4 + 2 it = 280 aen’ aeny) further reduces the

Clrcult to a voltage d1v1der—mirr0r combination.

The reduced model of the ground-referenced amplifier mimics the
current-mirror circuit analyzed earlier, except the output is now loaded
with a resistor equivalent to the one producing the v,_-dependent

8mb "san2Fsarait)

MMI1

Fieure 5.10 P-type differential pair with ground-referenced (n-type) mirror and its
small-signal translations.
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current in the input. Employing superposition to determine the effects
of dependent current source i . and independent voltage source v, on
output v, reveals the v, -dependent current sank (or subtracted) by the
mirroring transconductor (i.e., i, _or v, /R) cancels the positive (sup-
plied) contribution of v_ in the output leg of the circuit:

0. Ry )
M | ; (R-IIR

AINAA(GNDARef) = Uu .
v. R (v, |
inm "M —{Zn (R R
(—RD+RMJ [RD} HlIR,)

~ - d-0 (5.29)

m

which means v, for all practical purposes, has no ac contribution
from v, irrespective of the actual and relative resistances at both ter-
minals of the differential pair (i.e., R;) and the output of the mirror
(i.e., R,).

Referring to the pass device of the linear regulator and the
common-mode conclusions drawn from Fig. 5.8, a ground-referenced
amplifier, since its output (i.e., v ) is independent of v, , is good for
n-type follower pass devices but poor for their p-type counterparts
because the amplifier does not present a common-mode signal with
respect to v, . Note this result is an approximation based on the rela-
tive resistance ratio of loading resistance R, to diode-connected resis-
tance 1/g ., assuming the latter is substantially smaller than the
former:

e =" =" (5.30)

8mM1

Avoiding this assumption produces a nonzero A, value whose effects
on the output of the regulator are normally negligible when com-
pared to other feed-through contributions, especially when R  is sub-
stantially high, as in the case just described where R, is a cascoded

resistance equivalent to approximately 2g r

mDrdsD dsTail”

IN.A(GND.Ref)
Uin Uin R, +R,y,

v, Ry ] .
= |~ L RplIRyy)
A _2, :[RD+RM DM :( R, J_ R,|IR,,
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(®)

Ficure 5.11 (a) N- and (b) p-type differential pairs with ground-referenced (n-type)
load mirrors.

The symmetrical nature of the differential stage is the fundamental
reason why the v, -dependent ac currents roughly cancel in the output.
It is therefore not surprising that folded-cascode translations of the
differential pair with ground-referenced (n-type) load mirrors also
produce analogous results. The folded-cascode n-type input amplifier
shown in Fig. 5.11a, for instance, presents symmetrical n-type MM1-
MM2 loading conditions to n-type differential pair MD1-MD2 (i.e., the
resistances into both MM1-MM2 drains are roughly equal and equiva-
lent to R, in Fig. 5.10) so current-mirror output transconductor current

I Cancels the v, -dependent variations resulting from the ac current
sourced by cascode transistor MC2.

Folded-cascode amplifiers with p-type inputs and ground-
referenced (n-type) load mirrors, as illustrated in Fig. 5.11b, also yield
similar results. First, biasing transistors MB1-MB2 present symmet-
rical loading conditions to cascoded current mirror MM1-MM2-MC1-
MC2 so their v, -induced effects cancel, as in the simpler five-transistor
amplifier case just discussed. P-type differential pair MD1-MD2 now
sources equal v, -dependent ac currents (i.e., i ;) to both sides of the
mirror because the resistance into the sources of cascode devices
MC1-MC2 is considerably low at roughly 1/g, :

oo = o S (532)

28 psansdTail

2ngrsdD rsdTail +
m

Common-gate current buffer MC1 therefore channels the ac cur-
rent from MD1 to the input of the cascoded mirror (i.e., gate of
diode-connected MM1). As a result, the mirror’s output transcon-
ductor “mirrors” and sinks an equal amount of current (i.e., i, ., =
i), steering all the ac current from MD2 to ground and not
allowing any v, -dependent current derived from MD1-MD2 to
reach the output via common-gate current buffer MC2. In other
words, mirror MM1-MM2 cancels v -derived ripples injected by
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differential pair MD1-MD2 much in the same way it cancels sup-
ply noise from bias MB1-MB2.

Supply-Referenced Differential Amplifiers

The same analytical process applies to supply-referenced differential
amplifiers, a general embodiment of which Fig. 5.12 shows, except
the mirror’s output transconductor current i, and the v, -dependent
ac contribution of the mirror’s output resistance r,,, now have an
aggregate effect on output v, as opposed to the canceling effect seen
earlier. To start, as before, the ac input signals of the amplifier are
zero because the shunt-feedback model already accounts for feed-
back effects. Differential pair MD1-MD2 therefore decomposes into
two common-source transistors each degenerated with twice the tail
current resistance (i.e., 2r, ) with respect to ground. Replacing the
degenerated transistors with their degenerated-equivalent resis-
tances R (which roughly equal 2g_ v, r. ) further reduces the circuit
to a voltage divider-mirror combination. Employing superposition
on dependent current source i _ and independent voltage source v,
with respect to v, reveals that the v, -dependent current sourced (i.e.,
added) by the mirroring transconductor (i.e., i, which is approxi-
mately v, /R,) has, as does the v, contribution in the output leg of
the circuit, a positive effect on v :

v, R, ,
—n P R,|IR
v, [RD+RMJ+Z“( pllRy)

0.

in vin

UinRD vin
e

D

AIN.A(Vin.Ref) =

o =1 (5.33)

m

reproducing the ac signal present in v at v, (i.e., v, is roughly v, ),
irrespective of the actual and relative resistances at both terminals of

8mb 8sap (2rarait)

Fieure 5.12 N-type differential pair with supply-referenced (p-type) mirror and its
small-signal translations.
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the differential pair (i.e., R,) and the output of the mirror (i.e., R,).
Strictly speaking, however, the ac current flowing into the mirror is
not exactly equal to v, /R but R is so much larger than 1/g_,,, in
practice that the approximation yields, for all practical purposes, the
same result as the more accurate expression:

el )i (R, I1R,)
A _ Ua Z[RD+RMJ b M _ RD + RD”RM
IN.A(VinRe) = 7, - o, R, +R,, R+ 1
P gli
(5.34)

In referring back to the pass device of the linear regulator and
the common-mode conclusions drawn from Fig. 5.8, a supply-
referenced amplifier, since its output v, also carries v, signals, is
therefore a good design choice for p-type pass devices because gate-source
and base-emitter terminals are in common mode. Conversely, a
supply-referenced amplifier is a poor design choice for their n-type
follower counterparts. Just as the folded translations of the ground-
referenced loads mimicked their five-transistor predecessor, the
symmetry of the differential stage also ensures the folded-cascode
translations of the supply-referenced loads have an aggregate
effect on output v , approximately reproducing v, in v . The folded-
cascode p-type input amplifier shown in Fig. 5.13a, for example,
presents symmetrical loading conditions (i.e., R,) to p-type load
mirror MM1-MM2 so current-mirror output transconductor current
i, and the v _-dependent variations resulting from the ac current
flowing through output resistance r sum and reproduce ac
signal v, ato,.

Folded-cascode amplifiers with n-type inputs and supply-
referenced (p-type) load mirrors, as shown in Fig. 5.13b, also yield

dsM2

i i

(@) (b)

Ficure 5.13 (a) P- and (b) n-type differential pairs with supply-referenced (p-type)
load mirrors.
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similar aggregate results. Biasing transistors MB1-MB2 present sym-
metrical loading conditions to cascoded current mirror MM1-MM2-
MC1-MC2 so the mirror and voltage divider have a cumulative effect
on v, yielding v, -equivalent ac signals. Incidentally, differential tran-
sistors MD1 and MD2 present substantially larger resistances to ac
ground (equivalent to r, ) than cascode devices MC1 and MC2 (which
are at 1/g ), assuming the loading effect of MB2 on MC2’s (1/g, )-
source resistance is not significant. This relative resistance relation-
ship means all ac ripple current sourced by mirror MM1-MM?2 flows
through MC1 and MC2, as though MD1-MD2 were absent (i.e., i_ is
roughly 0 A). Note that cascoding MB1 and MB2 would increase the
loading effect on MC2’s source resistance 1/g_., and establish an
impedance asymmetry in the circuit that allows MD2 to steer supply
ripple current away from v . As a result, MD2 would decrease supply
injection from MC2 into v, while MD1 would not do the same to
MC1, which means the cascodes ultimately produce a ripple at the
output that may not be equivalent to v,_.

5.2.3 Power-Supply Rejection Analysis

The v, -dependent feed-through components in the transconducntace
of the pass device (i.e., G,), as concluded in the previous subsection,
hinge on the type of load mirror used in the error amplifier with respect
to the pass transistor. To be more specific, feeding a feedback signal
(ie, v,) to the base or gate of the pass device that is equivalently in
phase with the emitter or source, which results from loading the error
amplifier’s differential pair with one of the ground- or supply-referenced
mirrors shown in Figs. 5.10,5.11, 5.12, and 5.13, eliminates feed-through
effects in G,. Given the flexibility the sample configurations shown
illustrate, dwarfing the feed-forward effects of v, in transconductor G,
is relatively straightforward, simplifying the PSR ac-equivalent circuit
tothe Z,-Z -7,  voltage divider shown in Fig. 5.7b.

In the foregoing model, pass-device impedance Z,, is the parallel
combination of R, and C,, and output impedance Z , the parallel com-
bination of feedback resistors R, + R, output capacitor C_ and its
ESR Ry, bypass capacitor C,, and load R, and C,. Shunt-feedback
impedance Z,, . (whichis equivalentto1/G_ or1/B_A.,G,) models
the supply-independent shunting effects of negative feedback on the
output. Generally, and this applies to any circuit, good PSR perfor-
mance results when the impedance to the supply (ie., Z,) and ac
ground (i.e., Z,|| Z, ) are as high and low as possible, respectively,
which is why PSR performance benefits from the use of negative
feedback (ie., Zg, ) and bypass capacitors (i.e., C,), because they
generally decrease the impedance to ground.

Low-Frequency PSR (and LNR?)
As with other ac circuits, it is often easier, and perhaps more phys-
ically germane, to determine the frequency response of the circuit
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Vin

Rp
Rp
out
—_— Vout
Low [ 0
Reg) 1 frequency |
BesAzaGp BA—G
FBAEAUP
N <

~

Ficure 5.14 Equivalent small-signal circuit model for analyzing power-supply
rejection (PSR) at low frequencies.

at low frequencies first and then ascertain what happens as fre-
quency increases and capacitors short. Taking this approach, Z
and Z, decompose into (R, + R.)|| R, and R, respectively, and
Zg e Which is 1/G_., expands to 1/ BFBAE AG,. Since Z,, is loop-
gain-reduced impedance (Z,|| Z,)/ A, B;; and low-frequency loop
gain LG, or A B, is considerably large, Z,  is substantially low.
As a result, the parallel combination of Z, and Z,,  simplifies to
Z, .. as shown in Fig. 5.14, and the series combination of Z, and
Zg, . (When determining the voltage-divided gain from v, to v
reduces to Z,. The low-frequency supply gain that results (i.e., A ),
which is equivalent to line-regulation performance (LNR) and the
reciprocal of low-frequency power-supply rejection (PSR),, is
roughly inversely proportional to LG, :

out)

= 1 — vout — ZO || ZShunt
N PSRLF in Low.Freq. ZP +ZO ” ZShunt Low.Freq.
~ ZShunt ~ ZShunt — 1 ~ 1 =LNR
Zp+ Ly Low.Freq. Zp  BeApareGr)Rp  LGip
(5.35)
where A_, | is the error amplifier’s low-frequency gain. In real-
ity, low-frequency loop gain LG, is slightly smaller than B, ,A_,G,R,

because equivalent output resistance R,[|R, || (R, + R.,) is
smaller than R, although not by much. The reasons why the dif-
ference between R, and R, || R, || (R, + R,,) is often small are (1)
power pass devices carry vast load currents that result in corre-
spondingly low 1/g, and r, resistances and (2) power devices are

large and built in such a way that induces more channel-length
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and base-width modulation (e.g., channel-length modulation
parameter A can be as high as 0.1 V™' and Early voltage V, as low
as 10 V).

Externally Compensated Response
The first parameter to have an impact on the circuit as frequencies
increase in an externally compensated regulator is output pole p,,
when output, bypass, and load capacitors C,, C,, and C, start to short
(Fig. 5.15a and b). As a result, output impedance Z , decreases, except
its effects on PSR are at first negligible because the parallel combina-
tion of Z and Z . remains unchanged, given Z is considerably
low to begin with, as also demonstrated with the simulation results
shown in Fig. 5.16. Although the location of error-amplifier pole p,
relative to ESR zero z., and bypass pole p, varies with design, if p,
precedes z... and p,, p, decreases feedback transconductance G,
which increases Z,,  (Fig. 5.15¢) and results in higher supply gain
A, (i.e., lower supply injection), increasing A  at a rate of 20 dB per
decade of frequency.

Impedance Z . (i.e., G, increases past p, until Z_, which at
these frequencies decreases as C,, C,, and C,; continue to short to
ground (because Z  is approximately 1/s(C_ + C, + C))), is lower at

(@ (b) (© (C))

N GG
(e) ) (o)

Ficure 5.15 Equivalent PSR circuits as frequency increases from (a) low
frequency (LF) past (b) p,, (¢) p,, (d) f;,, (€) Zegps (A Py, @nd () f..
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Date/Time run: 08/06/07 14:13:56 * PSR Simulation- Externally comp. Temperature: 27.0
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Ficure 5.16 Loop-gain and corresponding supply-gain (i.e., A or PSR™)
simulation of an externally compensated regulator.

and past fza (Fig. 5.15d), reducing ground impedance from Z || Z,
toZ,;
7o <f<, m——t =Z
0, Zesr s(Co+Cy+C)) _1 [ Gw(rpy) oSk
20727\ (Co+CatCp)
- ! __ 8 (5.36)
AppLePa Grp.LePa
B FB s GP

where G, . is the low-frequency gain of feedback transconductance

G, The PSR voltage-divider model therefore simplifies to R, for Z,
and 1/s(C, + C, + C)) for Z || Z,, ., producing a supply-gain perfor-

mance past f, and before z_ ., (Where z ., is 1/2nR . C ) that is equiv-
alentto 1/s(C, + C, + C))R;;:
A — ZO ” ZShunt
Moof<as Zp+Zo | Zspun
fzo<f “zpsr
Z, 1
"R, s(C,+C,+C,)R, (5:37)

At this point, Z, determines PSR performance, which is why A
flattens (i.e., stops decreasing or improving) at z,.,, when C_ shorts
and presents constant resistance R, from v_ to ground (Fig. 5.15¢).
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The voltage divider in this flat region comprises R, (for Z,) and R,

(for Z,||Z,,,,) and the resulting supply injection at moderate fre-
quencies (MF) reduces to roughly R_../R.;:
Z,|Z Z, R
A — o Shunt ~ Z0 _ ESR (538)
NME Zo+ Z6 | Zgume 2ssr </ <P R, R,

A, again drops (i.e., PSR improves) at 20 dB per decade past bypass
pole p,, when C, and C, start to shunt R, (Fig. 5.15f).

This decreasing trend stops at higher frequencies, however, at fre-
quency f,, when C, in Z, shorts and bypasses R, (Fig. 5.15%), feeding
through more v, signalstoov_:

1

ol ) =R, (5.39)

Plfme——
fr 2nR,Cp

Note C, only affects the circuit at high frequencies because it is para-
sitic and considerably smaller than C, and C, combined. As a result,
past f,, Z, reduces to 1/sC, and overwhelms series-impedance Z_,

and because C, and C, alone set impedance Z, at those frequencies

(i.e., R, in C,, is larger), the resulting impedance divider yields a flat
A, gain at approximately C,/(C, + C)):
1
Z,Z V4 s(C,+C)) C
A — (0} Shunt ~ -0 ~ B L’ _ P 5.40
NI Z o+ Zo | Zspgme fopy Zp f>f» 1 G+ C, ( )
sCp,

The foregoing analysis highlights several key points. Generally, a
vour-sensed negative-feedback loop presents a ripple-shunting imped-
ance (ie, Zg ) at v, with a value that is inversely proportional to
feedback transconductance G; (i.e., Z,,  is 1/B;A.,G,) and whose
effects are prevalent at low-to-moderate frequencies, when Z,  is
smaller than Z . Error-amplifier bandwidth p, and output, bypass,
and load capacitors C,, C,, and C, in output impedance Z, subse-
quently produce a peak in the supply-gain response near the unity-
gain frequency, at f, . Resistance R, and feed-forward capacitance C,,
because they increase the noise content in v_, ultimately flatten and
limit supply injection at moderate-to-high frequencies (i.e., A, . and

IN.MF
A, ,;p)- This general behavior indicates the following:

¢ Low error-amplifier bandwidth p, increases A and therefore
degrades PSR at moderate frequencies.

e High C_, C,, and C, values dampen the peaking effects of low
p,’s on A ; that is, they improve PSR.

IN/
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¢ Low R, valuesreduce the peakin A atmoderate frequencies,
also improving PSR.

e Low C, values keeps feed-through ripples from increasing
A, at high frequencies, again improving PSR.

Internally Compensated Response

A similar analysis applies to internally compensated regulators, except
the sequence of events differs because internal pole p, precedes output
pole p, and output capacitor C, is a low-ESR capacitor, introducing an
ESR zero that characteristically resides at relatively higher frequencies.
Given these differences, the first parameter to have an impact on the
circuit as frequencies increase is error-amplifier bandwidth p,. To be
more specific, feedback transconductance G, decreases at and past p,,,
increasing feedback impedance Z,  (Fig. 5.17a and b) and, in conse-
quence, increasing supply injection (i.e., degrading PSR) at 20 dB per
decade, as shown in the simulation results of Fig. 5.18. For reference,
assuming a single-pole response, which is to say output pole p,, is past
unity-gain frequency f, . to ensure stable operating conditions, f, ; is
the gain-bandwidth product (GBW) of low-frequency loop gain LG,
or roughly B,.,G,R,G R, and bandwidth p, or 1/2nR,C:

FB—A
BraApsGpZy
foap= GBW=LGp, = F;n;{ZRZ °
- Brs(GARAGp(Z (1 Zp) _ BrsGAGpR, (5.41)
2nC,R, 2nC, '
LF f>py F>foan I> Fshunt

sC\R,
PrsAraGr

(a) (b)

out

=S N
5(Cy+ Cyz+ C)) lm loh)
®

(e

() (b)

Ficure 5.17 Equivalent PSR circuits as frequency increases from (a) low
frequency (LF) past (b) p,, (¢) £, (d) P, (€) T, () Zegp @Nd (&) pp.
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Fieure 5.18 Loop-gain and corresponding supply-gain (i.e., A or PSR™)
simulation of an internally compensated regulator.

Past error-amplifier bandwidth p,, supply gain continues to
increase until Z, || Z, (which reduces to Z,  at low-to-moderate
frequencies) increases above Z, (which in this region is simply R,), as
shown in Fig. 5.17c, at which point A and PSR reach 1 V/V, or
equivalently, 0 dB:

A — ZO || ZShunt ~ ZShunt ~ ZShunt =1 (5 42)
IN.MF .
ZP + ZO || ZShunt Foas<f<Po RP + ZShunf ZShunt
where A . refers to A at moderate frequencies. Note Z, at these

frequencies is the parallel combination of feedback and load resis-
tances R, + R, and R, which is considerably larger than Z,
because p_’s shunting effects on Z appear at higher frequencies in
internally compensated circuits, and Z, is R, because C,’s impedance
is significantly larger than R . As aresult, Z || Z,,  or Z.  islarger
than Z, or R, past the frequency where Z,  equals R,, which hap-

pens around unity-gain frequency f, ., when loop gain LG is 1:

-1 R
Shunt BFB AEAGP LG P

deB

Z R (5.43)

fefp P

where A, refers to the error amplifier’s gain and f, the frequency when
C, shunts R, the latter of which occurs at frequencies higher thanf, .
Shunt impedance Z,  continues to increase past f,, causing
impedance Z,, || Z, , to also increase. When Z,,  surpasses Z, how-
ever, as depicted in Fig.5.17d, Z || Z,  reversesits trend and decreases
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with Z , as output, bypass, and load capacitors C,, C,, and C, short to
ground. Impedance Z s impact on A and PSR is at first insignifi-
cant, however, because its value continues to be larger than R ;

N

— ZO “ ZShunt
IN.MF ZP +ZO ” 7

A
R,+Z
F>f Shunt P o

~ Zy =1 (5.44)

Shunt

where f,  is the frequency where Z,  equals Z_ or (f,,p,)"*

7 _ 1 _ 1+sC,R, _ sC,
Shunt BrsAeaGr  Bra(GAR,)Gp foop, BrGaGp
_ SR, =7 I S
27f s O fos S(Cp+Cy+C))

_1 2 oap
fshan=7\ CorCy R, v/ 0aBPo

(5.45)

where gain-bandwidth product GBW, which approximately equals
fouer is approximately B,,G,G,R,/2rnC,. Note f,  is between f, . and
output pole p,,.

Supply injection again drops when Z, || Z, (or now just Z )
decreases below resistance R, (as illustrated in Fig. 5.17¢), as R, alone
now sets the total series resistance between v, and ground—R, +
(Z,l Zg,,.) approximately reduces to R,. The frequency where this
shift in impedance dominance occurs roughly coincides with output

pole p,;:

(ZShunt ” ZO)

=7
f>f Shunt Olf>f Shunt

1

T SCo+C,+C)) =R

> (5.46)

1
PO 2 m(Co+Ca+CL )R,

At some higher frequency f, however, feed-forward impedance C,
shunts R, (as seen in Fig. 5.17f) and limits the extent to which A  or
PSR improves to C,/(C, + C, + C)):

A — ZO || ZShunt ~ ZO ~ i
INHE = Z 0+ Z0 || Zgpne ot Z,+7Z, fope Zp, it
__
_ s(Co+Cy+C)) _ Cp
1 Co+Cy+C, (5:47)

<
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where A . refers to A at high frequencies. The next event to occur
as frequencies increase is C_ shorts with respect to its R, (as shown
in Fig. 5.17g) at z

ESR/

1
sC

1 ESR (5.48)

ZESR™ 5rC R
2nCoHRpsr

Impedance Z  therefore reduces to R, increasing A (and degrad-
ing PSR) at 20 dB per decade of frequency:

ZO | | ZShunt

IN-VHE Zo+Zo | Zopune

~Zo

Zp

R
A =%=SC R

PVESR (5.49)

f>zpgr —

f>p, sC,
where A . is A, at very high frequencies. At even higher frequen-
cies, C, and C, short R, (as shown in Fig. 5.17h) and A again flat-
tens (i.e., improves). These latter effects, however, typically occur at
considerably higher frequencies because bypass capacitors C, are not
normally present in internally compensated regulators and load
capacitors C, can be substantially low.

Since output capacitor C, in internally compensated regulators
should not exceed a specified maximum value to ensure p,, resides at
sufficiently high frequencies and therefore guarantee stable condi-
tions, application engineers normally employ high-frequency (i.e.,
low-ESR or equivalently low time-constant) capacitors for C_, which
is why z_ typically exceeds f,. However, when R, is relatively large
and parasitic capacitance C, is low, Zpop MAY fall below f,, in which case
the high-frequency supply-gain limit changes to A7 . or R.../R;:

IN.HF

’ — ZO || ZShunt ~ ZO
e Zp * ZO ” ZSh‘mt F> Fshunt ZP - ZO f>po
_ % _ ngsa (5.50)
Plf>zpe P

The onset of f,, when C,, shunts R, once again increases A, at 20 dB per
decade of frequency, just as it did when z_, resided above f, (in A

In summary, as in externally compensated circuits, a v, -sensed
negative-feedback loop presents a ripple-shunting impedance Z,
at v, with a value that is inversely proportional to feedback trans-
conductance G (i.e., Zg, . is 1/B.;A;,G,) and whose effects are prev-
alent at low-to-moderate frequencies, when Z , is higher than Z_ _.In
the internally compensated case, however, error-amplifier bandwidth
p, is the dominant low-frequency pole of the feedback loop, asserting

its degrading effects on PSR performance first, at considerably lower

IN .VHF)'
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frequencies, until A peaks and flattens near unity-gain frequency
fous (as described in A, ). Output, bypass, and load capacitors C,
C,, and C, then dampen this peaking effect (i.e., improve PSR), after
which feed-forward capacitor C, and R, (as C_ shorts) increase the
supply ripple in v ;;. This general behavior indicates the following:

e High error-amplifier bandwidth p, extends low-frequency
supply gain A, . to higher frequencies and therefore
improves PSR at low-to-moderate frequencies.

¢ A high unity-gain frequency f,,, implies the first and worse
A, peak is at higher frequencies (as described in A in
other words, improves PSR.

IN.MF)’

e HighC,, C, and C, values dampen the firstand worst peaking
effectin A also improving PSR.

e Low C, values inject less high-frequency supply ripple to
Uy decreasing A .. and again improving PSR.

* High Ry
increasing A

IN.MF

IN.HF
values increase the supply-noise content in v
and degrading PSR.

our
IN.VHF

Miller Effect in Internally Compensated Regulators

As derived directly in Chap. 3 and later discussed in Chap. 4, the
Miller effect is a manifestation of negative feedback (because a capac-
itor connected across an inverting amplifier establishes a negative-
feedback loop). Ultimately, its effect on small-signal voltage gain is to
decrease it past Miller pole p,,, which the well-known Miller theorem
perceives directly as an increase in input capacitance and indirectly
(because it does not explicitly discuss it within this context) as a
decrease in output impedance. From the perspective of the output,
the shunt-feedback effect of the Miller capacitor is to decrease output
impedance Z , from its low-frequency point, when the capacitor is an
open circuit, to its high-frequency value, when the capacitor is a short
circuit. Viewing the Miller effect in this fashion also explains how the
small-signal gain decreases past p,, when the output impedance
starts to decrease with increasing frequencies.

Consider, for example, a Miller capacitor C,, connected across
common-source transistor amplifier M, and driven from a circuit
whose source resistance is R, as illustrated in Fig. 5.19. Output
impedance Z  is the parallel combination of r ,, the resistance into
transconductor g, , or equivalently Z_ ., and the series impedance
across R,and C, ;:

1
Zo =112 R 651

Noting C,, ultimately diode-connects M,, R,, and C,, voltage-divide
the small signal present at M,’s gate and therefore degenerate g
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Ficure 5.19

Miller capacitor C,,
across inverting
common-source
PMOSFET M..

vo(©)

(at low-to-moderate frequencies) because only a fraction of v, appears
across M,’s gate-source terminals (i.e., Uy is a fraction of v,). As a
result, ¢ in the 1/g resistance that M, would have otherwise pre-
sented with a short circuit across its drain-gate terminals degenerates:

1
R +——
7 _( s sCM)

mP = g—I’RS (5.52)

In other words, because C,, is an open circuit at low frequencies
and the loop i.s open, Z_ . approaches infinity and Z reduces to r .
As frequency increases, the impedance across C,, decreases (although
still considerably larger than R;) and so does Z _,, except its impact
on Z is negligible until Z_  decreases below r:

1
R +——
ngP:( s sCM)

SmrRs

<)
sCy =Typ  (5.53)

SmrRs 1

Low.Freq. ~—
ol P 21745p8 mpRsC

beyond which frequency Z, decreases with Z_, past Miller pole p,,
at 1/2nr, ¢ .R.C,, as also derived (by different means) in Chaps. 3
and 4. Past p,,, Z, continues to decrease until C,, becomes a short cir-
cuit with respect to R, (when C,;’s impedance decreases below R,):

1
?‘ =k (5.54)

M —_—
fgm 2nRsCyy

beyond which point Z  reduces to 1/g_.

Within the context of Miller-compensated low-dropout (LDO)
regulators, where capacitor C,, is across a power p-type transistor, as
shown in Fig. 5.19, understanding the effect of C,, on the output
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impedance is useful because the PSR analysis presented in this chap-
ter reduces the output to a voltage-divider network from v to v .
With this in mind, as before, since the loop gain is high below unity-
gain frequency f, ., shunting impedance Z,  is substantially low
and the equivalent PSR circuit reduces to the series combination of R,
and Z, . as shown in Fig. 5.17a, except R, should really be imped-
ance Z,because R, is no longer frequency independent (since C,, now
Changes it). Con51der1ng Zg .. is roughly the ratio of open—loop
impedance Z, (from Z  in Flg 5. 19) and loop gain A, B, and recall-
ing both small—s1gnal gain A, and Z, decrease with frequency past
Miller polep,, Z,, . in Miller—compensated LDO regulators does not
increase past p,,. Interestingly, C, 's overall impact on supply gain A
(and PSR) at low-to-moderate frequencies is unchanged with respect
to the internally compensated case discussed earlier because A is
roughly the ratio of Z,, and Z,, and although the former remains
unchanged past p,,, the latter does not, decreasing past p,, and conse-
quently increasing A, past p,,. Note that past f_, when Z, reaches
1/g, .+ Z, stops decreasing with frequency and ZSh . starts increasing
(as AVOL continues to decrease), but because A is approximately
Zg, ./ Z, during this frequency range, A continues to increase (now
with ZSh o0 and f,_ has no impact on PSR
In more general and perhaps more intuitive terms, Miller com-
pensation in LDO regulators decreases the impedance from the out-
put to the positive supply (i.e., decreases Z,), a condition that is unfa-
vorable for good PSR performance. The fact is that a Miller capacitor
across an inverting amplifier establishes a shunt negative-feedback
loop whose shunting effects to the input supply appear more and
more as frequency increases, as Miller capacitor C,, shorts. So while
the impedance to the supply (i.e., Z,) is high at lower frequencies
(because C,, is an open circuit), Z, decreases with increasing frequen-
cies, as shunt feedback asserts its influence, in the process increasing
supply gain A and degrading PSR.

5.2.4 Conclusions

Perhaps the most important message in this section is how to convert
a circuit into its voltage-divider equivalent for power-supply rejec-
tion (PSR) analysis. The pass device, to start, feeds v, signals to v,
through R, and C,, or equivalently (when combined), through Z,,. Filter-
load network Z , on the other hand, which consists of R, + RFBZ’ R,

C, C, and C,, shunts v noise in v, to ground. Shunt feedback
around the error amplifier then helps Z , shunt signals to ground by
presenting loop-gain reduced impedance Z,  to ground at v
Additionally, the architecture of error amplifier with respect to the
pass device can introduce feed-through signals to v, from v, but
loading the amplifier with ground-referenced mirrors when driving
n-type pass devices (or supply-referenced mirrors in the case of
p-type power transistors) circumvents many of these ill-fated effects.
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In the end, the voltage-divider model that results is comparatively
simple and capable of accurately predicting the PSR performance of
the regulator across the entire frequency range, barring the unfore-
seen effects of any peculiarities in the actual transistor-level circuit.

Considering the voltage-divider network that results, the key to
good PSR performance (and low supply gain A ) is high supply
impedance and low ground impedance, the latter of which translates
to high feedback-derived transconductance G, (i.e., B;A;,G,) and
high output, bypass, and load capacitances. Because the dominant
low-frequency pole of an externally compensated regulator is at v,
error-amplifier bandwidth p, is at moderate-to-high frequencies,
extending the frequency range for which Z,, or G, is low. The
internally compensated counterpart, on the other hand, suffers from
considerably higher supply ripple injection because its dominant
low-frequency pole is p,, which must consequently reside at consid-
erably lower frequencies. Parasitic equivalent series resistance (ESR)
R, irrespective of compensation strategy, increases A, and conse-
quently degrades PSR performance, but its effects are typically more
pronounced in externally compensated circuits because large high-
ESR capacitors are substantially cheaper than their high-frequency
counterparts are.

Good PSR is intrinsic at low-to-moderate frequencies. On one
end, as an example, the regulator may derive energy and power
directly from a highly variable and unregulated input supply, as with
2.7-4.2 'V Li-lon batteries, so good line-regulation performance (LNR)
and, by translation, low-frequency supply gain A . (ie., LNR is
equivalent to A | ) are critical. On the other hand, an off-line 20 kHz-
to-5 MHz switching source may supply power to the linear regulator,
which means good (i.e., high) moderate-frequency PSR is important.
Unfortunately, the unity-gain frequency of most linear regulators,
near the point where A typically peaks and PSR is worst, is rela-
tively low at 20 kHz to 1 MHz, which means the linear regulator is
unable to suppress the switching noise injected by the off-line source.
This limitation in bandwidth results because (1) R, and R,’s respec-
tive expansive ranges (in response to process, temperature, and load
variations) shift ESR zero z ,, bypass pole p,, and output pole p , con-
siderably and (2) the low quiescent-current demands associated with
battery-powered devices place severe restraints on the extent to
which error-amplifier bandwidth p, can reach. Nevertheless, because
p, is at higher frequencies, externally compensated circuits enjoy bet-
ter moderate-frequency PSR performance than their internally com-
pensated counterparts. The drawback, of course, is large off-chip
capacitors often prohibit system-on-chip (SoC) and/or system-in-
package (SiP) integration.

The values and shape of PSR response across frequency for exter-
nally and internally compensated circuits may differ but their under-
lying themes do not. Generally, increasing the impedance from v, to
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Uoyr (-e., increasing Z,) and decreasing the impedance from v, to
ground (i.e., decreasing Z_and Z, ) reduces supply gain and yields
better PSR performance. High low-frequency loop gain LG, , and
high error-amplifier bandwidth p,, for instance, results in good
low-frequency PSR values. Low R, high C,, high R, and low C,
values produce similar effects at moderate-to-high frequencies. The
difficulty is that higher loop gain and bandwidth require more bat-
tery drain current and low-impedance passives demand costlier pro-
cess technologies and system solutions.

Note the analysis presented assumed the error amplifier only had
one signal-shunting pole (i.e., p,), which is reasonable, given the sta-
bility constraints of the system, but not entirely true. Parasitic poles in
the amplifier may affect the PSR response of the circuit at moderate
frequencies because they could change the characteristics of shunt
impedance Z,,  and the common-mode nature of the amplifier’s out-
put (i.e., v,) with respect to the pass device. At moderate frequencies,
for instance, when Z,  is still smaller than or equal to output imped-
ance Z, and the parallel combination of Zg wand Z reducesto Z, .,
changes in Z,,  resulting from the parasitic poles in the amplifier
have a direct impact on PSR. These effects are typically less significant
because the additional poles reside above the regulator’s unity-gain
frequency (for stability purposes), around and beyond the frequency
where Z  surpasses Z, and PSR no longer depends on Z, . These
same poles, however, also change the common-mode nature of error-
amplifier output v,, the result of which is a growing feed-through sig-
nal through the pass device and more noise in v_, at or abovef, ..

External versus Internal Compensation

The overriding advantages of externally compensated regulators are
high output capacitance C_, and high error-amplifier bandwidth p,.
High C_ values, on one hand, increase the regulator’s ability to sup-
press fast and high-power load dumps and high p, frequencies, on
the other, extend good low-frequency PSR performance to higher fre-
quencies. Maintaining p, at high frequencies to guarantee stable
operating conditions, however, is challenging, especially when con-
sidering the error amplifier must drive the parasitic capacitance the
necessarily large power pass device presents. Internally compensated
circuits reap the integration benefits of lower output capacitances,
more easily conforming to the total on-chip integration demands of
state-of-the-art portable, battery-powered solutions. The costs of on-
chip integration, however, are lower output power and more strin-
gent stability constraints, as output pole p, has a tendency to migrate
to lower frequencies during light loading conditions. Table 5.1 pres-
ents a summary of these comparative conclusions.

Low quiescent currents, when considering extended battery-life
operation, necessarily pull parasitic poles to lower frequencies, limiting
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Externally Internally

Compensated Compensated
Dominant Pole Output pole p, Error-amplifier pole p,
C, Limit Greater than Cg ., Less than Cg_ e
Load-Dump Response Better (i.e., lower Ay, ) Worse (i.e., larger Av, ;)
Worst-Case Stability T T LC, T Tl LC,
Conditions TR LcC/ TR LC;

2 poles,noz: | 1, 2 poles,noz: | 1,

Tc, Ry TC, Tc, LR 1€,
PSR (or A ™) Better (i.e., higher p, Worse (i.e., lower p,

reduces A, ;) increases A 1)
Integration Off-chip or On-chip or

in-package C, in-package C,
Application Higher power (i.e., Lower power (i.e.,

larger load dumps) smaller load dumps)

TaBLe 5.1 Externally versus Internally Compensated Regulators

5.4

the extent to which f, , should increase to maintain stability. To aggra-
vate matters, the presence of z,, and p, extends f, , and decreases the
number of decades the loop gain can drop at 20 dB per decade from its
low-frequency value, as seen in Fig. 5.3b, which results in relatively low
loop gains when compared to standard op amps, and by translation,
limited load- and line-regulation performance. Therefore, generally
speaking, irrespective of the compensation strategy, increasing both
loop gain and bandwidth under low quiescent-current restrictions com-
promises stability, which explains why loop gains normally fall below
50-60 dB and nominal unity-gain frequencies below 0.5-1 MHz.

Summary

The variations of load current I, and equivalent series resistance (ESR)
R, are probably the two most significant obstacles to overcome
when stabilizing a linear regulator. In a battery-operated environ-
ment, for instance, the former varies by up to five decades, from
maybe 1 pA during light loading conditions to 100 mA when fully
loaded. As a result, the location of output pole p, also shifts by up to
five decades, because p,, is inversely proportional to pass resistance
R, and therefore directly proportional to I,. To complicate matters,
although not to the same degree, R, varies considerably across pro-
cess and temperature (e.g., 1-500 mQ). The consequence of this R,
variation is that the location of the ESR zero and bypass pole pair that

results (i.e., z,., and p,) can fall anywhere below or above unity-gain
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frequency f, ., possibly extending f, .. by one to two decades, depend-
ing on the ratio of p, to z.., (i.e., ratio of C_ to C, + C, + C,). The total
possible variation for f, , can therefore be on the order of five to seven
decades.

Load-dependent changes in low-frequency loop gain LG, , some-
times offset the effects of a variable p,, but only almost completely in
internally compensated regulators. In Miller-compensated PMOS
regulators, for example, the load-dependent component in dominant
low-frequency polep, (ie.,p,<1/C .. < 1/G,R, <1 /1> or1/1?)
complements that of low-frequency gain LG, (i.e., LG, < G,R, <
I.Y2/1, or I.*/?). Internally compensated n-type regulators also yield a
constant gain-bandwidth product because the gain across the pass
device is close to unity and almost independent of I, as is dominant
low-frequency pole p,. Nevertheless, variations in p,, if allowed to
fall below f ., can shift f . by up to one decade. In externally com-
pensated PMOS regulators, on the other hand, the gain across the
pass device (i.e., G,R,) only partially offsets linear changes in p,
(where p, =< I ) because G R, is inversely proportional to I,'/?, decreas-
ing the overall frequency variance of f,,, with respect to I, by about
half the decades (e.g., a four-decade change in I , induces a two-decade
shift in f, ). In PNP regulators, however, f, . shifts by the same num-
ber of decades as I, because the gain across the pass device is inde-
pendent of I, not in the least offsetting the effects of I, on p,..

The difficulties compound when considering high output, bypass,
and load capacitances C, C,, and C, and high loop gain are desirable.
High output filter capacitances, on one hand, attenuate transient volt-
age excursions in v, and high loop gains, on the other hand, reduce
the adverse effects dc and ac changes in load current I, and supply
voltage v, exert on v, (through load regulation and transient
response in the case of I, and line regulation and power-supply rejec-
tion with 7). Unfortunately, high output filter capacitances pull p , to
lower frequencies and high error-amplifier gains normally require
high-resistance nodes (i.e., low-frequency pole p,), the combination
of which may be a system with two low-frequency poles and no zeros
to salvage phase (as z,; can be at high frequencies). Pushing p, to
higher frequencies is not trivial because the parasitic capacitance the
power pass device presents to the error amplifier is substantially
large, on the order of 50-100 pF.

Loop gain and power-supply rejection (PSR) are inextricably
related. High loop gains, for instance, yield low supply gains that
result in good line-regulation performance and high power-supply
rejection at low-to-moderate frequencies. Most notably, error-amplifier
bandwidth p, incurs the first and probably most significant debili-
tating effect on supply rejection because p, mitigates the shunting
effects of the negative-feedback loop. High C,, C,, and C, values
ultimately dampen the supply-injection peak that results from a

low-to-moderate p,. High R, (which results in a low z,,) and high

ESR ( ESR
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feed-through capacitance in the power pass device (i.e., high C,), on
the other hand, increase the supply-noise content in v, at moder-
ate-to-high frequencies, but high bypass capacitances (i.e., high C,)
offset these limits for the better.

Generally, given the voltage-divider nature of the equivalent sup-
ply-rejection circuit, increasing the supply impedance between v, to
(e.g., increasing R, and 1/sC,) and decreasing the ground imped-
ance from Uour to ground (i.e., decreasing R, , Ry, R, Ry 1/5C,,
1/sC,, 1/sC, and Zg  or 1/B, A, G,) decrease supply gain and
therefore increase supply rejection. The fact is the pass device in a lin-
ear regulator circuit is the fundamental feed-through component of v,
noise, assuming, of course, the circuit does not unnecessarily intro-
duce other feed-through paths to v ;.. Complying with the common-
mode requirements of the pass device, for example, by loading the
differential pair of the error amplifier with an appropriately referenced
mirror avoids feeding additional supply noise to 0.

Ultimately, understanding ac constraints is important to ensure
transistor- and layout-level design choices do not otherwise compro-
mise the stability and/or contrast the basic performance objectives of
the regulator. From here, the next step in the analog design process is
to develop a transistor-level circuit that achieves the functionality
described in Chap. 1 and comprehends the ac requirements just pre-
sented. The following chapter therefore examines how to employ the
semiconductor transistors, resistors, capacitors, and basic building
blocks introduced in Chaps. 2 and 3 to design and build an integrated
circuit that (1) regulates v, against, among other factors, dc and ac
variations in supply and load; (2) meets the negative-feedback
requirements discussed in Chap. 4, and (3) achieves the compensa-
tion and supply-rejection goals identified here in this chapter.

Z]OUT
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Source: Analog IC Design with Low-Dropout Regulators

CHAPTER 6
|G Design

tain an independent, stable, noise-free, and predictable output

voltage v, Its output must therefore be low impedance and
derived from an accurate dc reference voltage V. As such, referring
to the compartmentalized regulator shown in Fig. 6.1, the general
design approach is to employ negative feedback and exploit the regu-
lation benefits gained from shunt sampling v with feedback resistors
R, and R, and series mixing output-derived feedback signal v,

arpchll Veer w};l;fl differential error amplifier A,.

The design process of a typical linear regulator, as with most
other electronic systems, begins with its target specifications, and
more specifically, with its load and the power transistor that drives it.
To start, the targeted dc output voltage prescribes the gain ratio
required from output feedback resistors R, and R, with respect to
V e iven the series-mixed feedback loop approximately equates v,
to Vg DC conditions like input voltage V|, load or output current
1, and dropout voltage V, then set the basic operating requirements
of the series pass device (i.e., power switch S_). After that, load and
line ac accuracies in the presence of nonidealities in output capacitor
C, (like finite capacitance and nonzero equivalent series resistance
R,;) determine how quickly power transistor S, must react to tran-
sient variations in v, and i,

Because the operating specifications often require S to conduct
high currents, S is large and its input control terminal substantially
capacitive. Low-impedance buffer circuit A, must therefore drive
S, with sufficient current and voltage reach (i.e., swing) to charge and
discharge the large parasitic capacitance present within an acceptably
low timeframe. To this end, A, demands circuit-specific attributes
of error amplifier A,,, other than the ones dc and ac accuracy param-
eters like input-referred offset V', load and line regulation (LDR and
LNR), signal-to-noise ratio (SNR), and power-supply rejection (PSR)
already impose.

With the design of the regulator in mind, the underlying objective
of this chapter is to connect the system-level specifications introduced

in Chap. 1 to practical integrated-circuit (IC) solutions. The initial

I I The purpose of a series linear regulator is to produce and main-
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Ficure 6.1 Compartmentalized linear-regulator circuit.

approach is to compartmentalize the design into its constituent com-
ponents: (1) series power pass device S, (2) buffer A, , and (3) error
amplifier A_,, and design them according to the specifications of the
system and their interdependent parameters. Because the goal is to
sustain a specified load, the design process starts at the output with
S, and ends with A,,, as the driving demands ripple back through
the system. Each section in the chapter discusses the various design
considerations and associated physical-layout implications that prac-
tical loads impose on the IC with emphasis on efficiency and regula-
tion performance.

Series Power Pass Device

The design goals of power switch S are to drive and accommodate a
wide-ranging steady-state load (i.e., dc current I ) with sufficient
power efficiency to sustain acceptable single-charge battery lifetimes.
Increasing efficiency 1, amounts to reducing the power lost across
and because of S, which means avoiding ground current I, and
decreasing supply voltage V so that V  liesjust above V , especially
when supplying peak load I,
P, B, B, B,

Np=E = = <
g PIN PS + PO (VIN_ VO )IO + ‘/INIGND + PO VDOIO + ‘/INIGND + PO

(6.1)

where P, is output power VI, P, the power lost in and because of
the switch, and V|, the dropout voltage, which refers to the mini-

mum voltage across S (when the loop gain falls to zero and S, enters
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the ohmic region, in other words, when the regulator is in dropout).
To complicate matters, while driving high power with high efficiency,
the power device cannot afford to significantly load its driving buffer
with capacitance because doing so would otherwise slow the circuit,
the effects of which compromise stability and degrade ac-accuracy
performance in response to fast load dumps. As a result, S must
operate under a low supply voltage, produce a low dropout voltage,
and use little to no ground current, and when considering the load,
be only large enough to sustain I, under worst-case process, tem-
perature, and driving conditions.

6.1.1 Alternatives

Power pass device S is simply a transistor, since a negative-feedback
loop need only modulate the transistor’s input control terminal to con-
trol the resistance (and by translation, the conductance) across V,; and
v,. Although a junction field-effect transistor (JFET), by definition,
accomplishes this task, increasing the JFET’s resistance so that little to no
current flows (i.e., shut the transistor off), which is especially important
in battery-supplied systems during idle conditions, is difficult. Bipolar-
junction transistors (BJTs) and enhancement metal-oxide-semiconductor
field-effect transistors (MOSFETs), on the other hand, are normally off
devices that only require standard dual-supply rails (e.g., V,, and
ground) to induce substantial current flow. Because positive (or nega-
tive) input voltages with respect to the current-sourcing (or current-
sinking) terminal induce current flow in both n-type (or p-type) BJTs
and MOSFET5, the following subsections split the discussion into n- and
p-type switches, rather than BJTs and MOSFETs.

N-type Power Pass Devices

Both npn BJTs and n-type MOSFETS, as required by the positive-supply
nature of a linear regulator (where V, is above ground), have their
respective current-sourcing terminals (i.e., emitters and sources)
attached to v, as illustrated in Fig. 6.2. This configuration carries an
intrinsic advantage in that v, is already low impedance (without the

(2) (b)

Ficure 6.2 N-type (a) BJT and (b) MOSFET power-pass transistors.
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help of the outer negative-feedback loop shown in Fig. 6.1), meaning
power transistor Q , or M, , responds quicker to quick changes in load
(i.e., load dumps)—Q, 's or M, 's inherent output resistance is approx-
imately equivalent to the reciprocal of its transconductance. The BJT
version offers slightly better transient response than the MOSFET
because the BJT’s output resistance is even lower, as its collector current
is exponential with respect to base-emitter voltage v, and the MOSFET
drain current only follows the square of gate-source voltage v .

The main disadvantage with n-type transistors is high-dropout
(HDO) voltage. To be more specific, the minimum headroom required
to induce [ Ofmaxy 1O flow between V| and v, in an npn BJT (or NMOS-
FET) is the sum of its v, (or v, which is the sum of threshold voltage
V, and saturation voltage V. ) and the minimum emitter-collector
voltage V. (or source-drain Vg, ) of its driving transistor. In
other words, V must exceed v, by 0.2-0.3 V above a diode voltage
(or 0.4-0.8 V above V) to operate properly, which equates to dropout
voltages Vooon the order of 0.7-1.2 V (or 0.9-1.5 V). Nevertheless, the
fast response time associated with these devices often outweighs the
efficiency disadvantage that results from a larger V.. Note the BJT’s
base current flows to the output through the emitter so no current is
lost as ground current I, .

G/

P-type Power Pass Devices

In contrast to n-type devices, the current-sourcing terminals attached
to v, in p-type configurations are collectors and drains (Fig. 6.3),
which means, unlike their n-type counterparts, they offer relatively
high output-impedance characteristics (i.e., r, for BJTs and r, for
MOSFETs). The lower dropout voltage (and higher efficiency) associ-
ated with this setup, however, offsets the high-impedance disadvan-
tage because V| need only be one V. . vor Vg, above v, to sustain

in) SD(sat
I without collapsing power device Q,, or M, into the ohmic

O(max)
region, all of which translates to a lower V| and dropout voltages of
roughly 0.2-0.4 V. To fully source Omaxy? though, V, must also exceed
ground by at least one v, above VCE(mm) or one U above VDS(SM) (i.e.,

two V¢ .,’s higher than V), or approximately 0.7-1.5 V. Note that,

max
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1YSG +
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Ficure 6.3 P-type (a) BJT and (b) MOSFET power pass transistors.
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unlike the npn follower, a pnp transistor’s base current flows to
ground (not v,), drawing and losing o /B from Vtogroundasli,,
which can be substantial under high temperatures and weak process-
corner conditions (i.e., low B).

Comparative Evaluation

As with most designs, choosing the appropriate pass device is
plagued with tradeoffs. The importance of high-efficiency perfor-
mance in battery-powered microelectronics (to extend battery life)
and high-power applications (to avoid the need for heat sinks) accen-
tuate the value of low dropout voltages (i.e., V) and low ground
currents (i.e., I ). As aresult, when considering the available choices,
as summarized in Table 6.1, p-type transistors offer the lowest V_,
and MOS devices the lowest I, (because there is no dc current flow
through a MOS gate), which explains why, when combining these
considerations, PMOS pass devices are increasingly popular in the
industry. Although not always true, low input-voltage requirements
(i-e., Vi (mmny appear hand in hand with low dropout voltages so simi-
lar conclusions apply when designing for low V.. Nevertheless,
the inherent low-impedance and therefore fast-response attributes of
n-type power devices appeal to applications that value faster response
times over efficiency performance.

BJTs, because of their exponential behavior, typically source higher
Iy than MOSFETs under similar V and silicon real-estate con-
straints. Optimized vertical pnp transistors, however, are seldom
available and their lateral counterparts (which are available in stan-
dard single-well CMOS technologies) are usually less ideally suited to
supply I, ., (i-e, high currents) and respond quickly to changes in I,
(i.e., to load dumps). NMOS devices source relatively less current than
their p-type counterparts do because V constrains their gate drives
with respect to V (e.g., V, — V). Again, the speed associated with

NMOS followers partially offsets high V, , and low I, performance.

N-type Power Pass Devices P-type Power Pass Devices
Parameter BJT MOS BJT MOS
Vinmim V,+ Vo, V,+ V,, Ve + Vorom V| Voo * Vosen
VDO VEC(min) + VBE VSD(sat) + VGS VEC(min) VSD(sat)
Ino 0AY 0AY lenans/ P 0AY
| Domany Highest V Low High Moderate
R, 1/8em \ 1/8 os) r I

Check marks “N” indicate preferred performance

TaBLE 6.1 Series Power Pass Devices
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Circuit PMOS Process
Parameter Specification Parameter Value
v, 0.9-1.6V VI 0.6V £ 150 mV
v, 1V K 40 pA/V? £ 20%
I <50 mA L >0.35 ym
Vo, <200 mV
o 0A

TaBLE 6.2 Target Specifications and Process-Parameter Values for the
Power Device in Example 6.1

Design Example 6.1 Use the process parameters outlined in Table 6.2 to design a
power pass device with 200 mV of dropout and no ground current that delivers
up to 50 mA to a load whose voltage must remain at 1 V when supplied from a
0.9-1.6-V NiMH battery.

1. For zero I, and a low V, use a PMOSFET.

DO’

I

Omax) <100 mV

2. Vo < RDS(max) Omax) — W
;(min) (Tj(‘/ﬂ\[(min)_ |VT]’(ma><) | )

18,300 um

> =52,
52,083 or 0.35 tm

(32 1)(200 m)(0.9— 0.75)

w 50 m w
L L

21 [ 2G0m)
3.V Omax) _ _ 200m) _ogumy

< =
DS(sat) —
, w 18,300

The worst-case onset of regulator’s low-gain mode (while still in the linear

region, in other words, not in dropout) is when Vn=Vot VDS(SM) ~1.244V.

6.1.2 Layout

Reliability and performance drive the physical layout considerations
of a power transistor. High-power conditions, for example, if designed
to reduce silicon real-estate overhead, stress devices to their safe-
operating-area (SOA) limits, beyond which point the power switches
begin to break down. As a result, the physical design of the device
must account and avoid occurrences of electron migration, hot spots
on the IC that lead to secondary breakdown events, substrate debias-
ing that leads to further debiasing and thermal runaway, and other
adverse effects. Typical high-power considerations therefore include
the current-density limits of current-carrying circuit paths (i.e., metal
widths) and current-crowding effects within the device, the latter of
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which ballasting resistors address by evenly distributing current
(at the cost of additional ohmic power losses). However, given the
low-dropout (i.e., high-efficiency) demands of portable, battery-powered
applications, high-performance requirements often cause the size of
the power pass device to exceed the SOA needs of the application.

With respect to dropout, the aim is to reduce parasitic resistances
in the power-conducting path, as they not only dissipate power and
increase dropout voltage but also generate heat. In practice, ICs intro-
duce parasitic ground-current paths whose effects exacerbate under
high-power conditions and in large surface-area devices. Inducing
this ground current further decreases power efficiency and propa-
gates noise through the common substrate, also increasing the pro-
pensity for latch-up. In attenuating these adverse effects, the general
layout approach is to increase the impedance through these parasitic
paths and, for the current that leaks through, provide low-impedance
paths to the supplies, in other words, steer current away from the
common substrate.

In light of the plethora of process technologies available and their
possible mask-set compositions, there are many flavors of a particu-
lar transistor to consider. The preponderance of junction-isolated
standard bipolar, vanilla CMOS, and basic biCMOS technologies,
however, which have a common but reverse-biased silicon substrate,
reduce layout approaches to a few general strategies: (1) vertical BJTs,
(2) lateral BJTs, (3) substrate MOSFETs, and (4) welled MOSFETs.
CMOS-based biCMOS (i.e., p-substrate, n-well CMOS with a p-base-
diffusion layer) and standard p-substrate, n-epitaxy bipolar technolo-
gies, for instance, offer vertical npn and lateral pnp structures. Fully
complementary bipolar processes offer vertical npn and pnp BJTs as
well as lateral B]Ts, although vertical structures normally outperform
their lateral counterparts. In the same vein, n-well CMOS technolo-
gies offer substrate n-type and welled p-type transistors whereas
their p-well complements have substrate p-type and welled n-type
devices. Dual-well, p-substrate CMOS process technologies, on the
other hand, offer both welled n- and p-type devices as well as sub-
strate NMOS transistors. Given the prevalence of these four variants,
the intent of the following subsections is to highlight the driving
physical considerations associated with each basic layout strategy by
citing and discussing common structures in view of their dropout
performance and ground-current requirement.

Vertical BJT

Vertical npn BJTs, as shown in the profile view of Fig. 6.4a, are often
available in standard bipolar and basic biCMOS technologies. The
n-type minority carriers in such a device constitute power collector
current i, flowing vertically from emitter v (at the silicon surface) to
the intrinsic collector (i.e., n+ buried layer) and then sideways and up
to extrinsic collector terminal V. As such, to decrease the resistance
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Ficure 6.4 (a) Profile, (b) top views, and (c¢) equivalent schematic of a typical
p-substrate vertical npn power pass device available in standard bipolar and basic
biCMOS process technologies.

and consequential dropout voltage of the power-conducting path,
the emitter contact is close to the collector so the physical distance
(which translates to resistance) minority carriers traverse (i.e., i) from
v, to reach V  is minimal. A ring of deep n+ collector plugs and an
expansive n+ buried layer in the conduction path further decrease
this series resistance.

Referring to the physical top view of a vertical B]T illustrated in
Fig. 6.4b, increasing the number of emitter strips increases the power
rating of the device, that is, the amount of current it conducts when
forward-biasing its base-emitter junction. Inserting thin base strips
between the emitters, on the other hand, decreases the series base
resistance of the BJT, which is important to increase the large-signal
speed (i.e., bandwidth) of the transistor because completely shutting
down or fully engaging the device requires a substantial (and uni-
form) reduction or increase in base-emitter voltage. The deep n+ plug
and corresponding collector contact surround (or “ring”) the entire
device to reduce the negative effects of series collector resistance on
dropout voltage and minimum collector-emitter voltage V. .

The vertical BJT structure shown only presents one reverse-biased
diode from the collector (i.e., from V) to the substrate (Fig. 6.4c) that,
other than conducting reverse-saturation current I, induces little
additional substrate current. The p-base, n-collector, and p-substrate
regions also constitute a parasitic vertical pnp transistor, except its
effects are minimal because the effective emitter-base junction of the
parasitic device (i.e., base-collector junction of the power npn BJT) is
typically reverse biased. Nonetheless, given the high-power nature of
the transistor, extending the n+ buried layer to the edge of the n-well
region is ideal because overlapping the entire base (Fig. 6.4b) provides
electrons with which parasitic minority-carrier holes can recombine
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before reaching the substrate (effectively decreasing the effective [ of
the parasitic vertical pnp BJT). A highly doped p-type guard ring
around the entire device (as shown in Fig. 6.4a and b) collects and
prevents any I, that leaks into the common substrate from propagat-
ing to the rest of the IC.

Lateral BJT
Power lateral pnp BJTs available in mainstream CMOS and basic biC-
MOS process technologies, as illustrated in Fig. 6.5, conduct power
current i. laterally from emitter to collector terminals so the periph-
ery and diffusion depth of their respective emitters set the effective
current-conducting areas of the device (not the surface area of the
emitters). As a result, to collect as much current as possible, the col-
lector (i.e., v,) usually rings the emitter (i.e., V ), as shown in the
figure. Unfortunately, the p-type emitter and collector terminals, the
n base, and the p substrate also constitute parasitic vertical pnp
devices Q,, and Qg from v, and V, to ground (Fig. 6.5a and b).
Because the collector-base junction of the intrinsic device is reverse
biased, though, the parasitic device attached to v, (i.e., Q) is nor-
mally off, unlike the one attached to V (i.e., Qg ;) whose emitter-
base terminals are shared with those of the intrinsic BJT, which means
Qg conducts undesired substrate current I, to ground.

Decreasing the surface area of a unit emitter to the minimum per-
missible point the process technology allows favors intrinsic lateral

NSUB NDO
N+ Buried layer T
P-Substrate N-Well

(a)

K—/ N-Well \

[-6)

N+ to Base P+ Collectors

(©)

Ficure 6.5 (a) Profile view, (b) equivalent schematic, and (c) top view of a typical
p-substrate lateral pnp power pass device available in vanilla CMOS and basic
biCMOS process technologies.
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(i.e., peripheral) current i. over parasitic vertical (i.e., surface area)
substrate current I ., in other words, increases the effective B of the
lateral transistor, and paralleling numerous minimum emitter-dot
pnp BJTs (Fig. 6.5¢) increases its power reach. An n+ buried layer in
the n-well that encloses the lateral BJT, as in the vertical npn case,
further reduces I, by supplying electrons with which the parasitic
vertical minority hole carriers can recombine. Note that during drop-
out conditions, when the collector-base junction of the lateral transis-
tor forward biases, the parasitic vertical device attached to v, also
forward biases and carries additional dropout current I to ground
as ;. Although the n+ buried layer also helps decrease the gain of
this parasitic BJT and its resulting substrate current, the buried layer
actually steers the current back to the lateral BJT’s base, ultimately
losing it as ground current (i.e., quiescent power) through the buffer
driver. In the end, lateral pnp BJTs are not ideally suited for a battery-
powered linear power pass device because its ground-current losses
are inherent and relatively substantial when compared against other
devices.

The parasitic current paths may decrease efficiency but they also
impede current crowding and the formation of hot spots on the IC,
naturally increasing the ruggedness of the device. Ringing shallow
and deep n+ contact base regions around each collector-emitter dot
combination decreases the base resistance of the device and conse-
quently improves its response time when driven to sustain large
load-dump events. This ring is especially important in the absence of
aburied layer, as in the case of vanilla CMOS and basic biCMOS tech-
nologies. P+ substrate contacts around the entire device collect and
steer reverse-bias current I, away from the rest of the IC.

Substrate MOSFET

Standard MOSFETs, as exemplified by the substrate NMOS device
shown in Fig. 6.6a, conduct drain current i, laterally so the source-
drain separation (i.e., channel length) must be short and the conduct-
ing diffusion width (i.e., channel width) wide to present minimal
series resistance to i, and incur minimal additional dropout voltages.
From a top-view perspective, the lateral length (when referring to
Fig. 6.6D) of each source/drain finger (i.e., channel width) should
therefore be long, but not extraordinarily so. An excessively long fin-
ger, by translation, increases the series gate resistance of the transistor
and consequently degrades the large-signal response time of the
device, as the resulting RC across the gate delays the drain-current
response at the extreme ends of the finger strip.

Typical polysilicon-gate layouts resemble a fork or a tree struc-
ture with multiple but equally sized branches. Increasing the gate
area increases the parasitic capacitance the transistor presents to the
driving buffer, which decreases the response time of the regulator, so
its base width (i.e., fork base or tree top) should not be excessive.
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Ficure 6.6 (a) Profile, (b) top views, and (c¢) equivalent schematic of a typical
p-substrate NMOS transistor available in a standard CMOS technology.

The best means of increasing the power rating of the device is to max-
imize the length of each finger (e.g., 300400 pm) to the point where
series gate resistance just reaches its limit and increasing the number
of source/drain fingers to match the power needs of the application.
If numerous fingers are necessary, mirroring fingers on either side of
the polysilicon base (about the gate vertebrae) minimizes the gate
resistance of the entire structure.

The only parasitic devices present in this structure are reverse-
biased diodes to substrate, as illustrated in the schematic of Fig. 6.6c.
Other than conducting reverse-saturation current I, these diodes
conduct little else. In spite of this, given the high-power nature of the
device, a p+ substrate contact region normally rings the power tran-
sistor to steer all parasitic current I, to ground directly, bypassing the
common substrate.

Welled MOSFET

A welled MOSFET is also a lateral device (Fig. 6.7a) so its series resis-
tance is lower if the source-diffusion distance (i.e., channel length) is
short and the diffusion width (i.e., channel width) wide. The polysili-
con gate should also mimic a fork or a tree when viewed from the top
(Fig. 6.7b). The only difference between a substrate MOSFET and its
welled counterpart is its back gate, being the substrate in the former
and the well in the latter.

In spite of the seemingly benign difference, embedding a PMOS
device in an n-well presents, as in the case of the lateral pnp BJT,
parasitic vertical pnp transistors from source and drain diffusions
through the well (as the base region) to the collecting substrate (which
is at ground), as illustrated in Figs. 6.7a and c. Unlike the lateral pnp
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Ficure 6.7 (a) Profile and (b) top views and (c) equivalent schematic of a typical
p-substrate, n-well power PMOS transistor available in a standard CMOS
technology.

device, neither parasitic B]JT is intrinsically forward biased, and the
one attached to v, is reverse biased. Unfortunately, because the power
transistor conducts substantially high currents and the parasitic
device attached to V| is not really reverse biased (just short circuited
via a resistive well), the well is prone to exhibit sufficient debiasing
conditions (i.e., voltage drops) to induce the parasitic pnp transistor
to conduct substrate current I to ground. Under lower currents, the
debiasing voltage is not high enough to present a problem but sub-
jecting a large device to high-power conditions may incur sufficient
reverse-saturation current I, through its reverse-biased diodes to sub-
strate and to drain terminal v, to debias the resistive well and for-
ward bias the parasitic B]T, producing [ .

As in the lateral BJT case, inserting a buried layer reduces the [ of
the parasitic vertical BJT, except a buried layer is not typically avail-
able in standard CMOS technologies. The next strategy is to reduce
the series resistance between the extrinsic and intrinsic base termi-
nals of the pnp transistor, that is, between V  and the well immedi-
ately around and below the p+ source diffusion. Conventionally, in
low-power applications, butting the p+ source terminal against the n+
well contact region decreases this series resistance. Unfortunately, insert-
ing an n+ well contact region next to every source finger in a high-power
PMOS array demands considerable silicon area, which not only costs
money but also presents higher overall capacitance to the driving
buffer. Alternatively, integrating back-gate contacts into the source
finger, as shown in Fig. 6.7b and later illustrated in Figs. 6.8 and 6.9,



IC Design

IC Design 213

Integrated N+ to well contacts in source fingers
S EE S E R N4V EAENENEEEEREETSR

Source
[ B B B A R AERNE)EDN | I B |

HE P E R ES " EEAEAENEEEETSR

LI P EEER [\ | E NS EN

EE AN IS EREEEEREETSR

HE E\EN EEEER |\

Second-level metal plane
[ ]
First-level metal

\ HEEER | |
Drain
| I | b | H EEENE
.wnd level vias
Semiconductor contacts

Ficure 6.8 Top view of a vertical-metallization strategy for a welled power
MOSFET from the semiconductor interface to second-level metal planes.

also decreases this resistance. Although doing so increases the finger
width (i.e., lateral diffusion length) of the source slightly and prompts
the layout tool to signal warnings, integrated back-gate contacts ulti-
mately yield substantial real-estate savings at little to no cost in per-
formance and reliability.
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Ficure 6.9 Top view lateral metallization strategy for a welled power MOSFET
from second- to third-level metal planes and bond pads.
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Metallization
Series metallic resistance R,, between power device S_ and the load
and bond-wire resistance R, between the pin and bond pad increase
the effective dropout voltage (i.e., V) of a linear regulator:

Vo = IoRon = Io(Rey + Ry + Ryyy) (6.2)
where I | is the output current and R, is the effective resistance of S,
when S is fully engaged to conduct current. Note R, is the combined
resistance from Vs bond pad to S_’s input terminal and from S’s
output terminal to v,’s bond pad, just as R, refers to both V,; and
v,'s bond-wire resistances. The resistance attached to V , however,
has more impact on V in a p-type transistor than in an n-type coun-
terpart because the critical dropout path in the former is across its
emitter-collector or source-drain terminals, unlike the latter whose
dropout path is through its base-emitter or gate-source terminals.
Nevertheless, irrespective of the type, power devices are physically
large so contacting their respective current-carrying terminals inevi-
tably introduces series resistance in the power-conduction path.
Given the power device introduces, by design, low R, R, and R,
may in some cases equal or overwhelm R, (like when the switch
presents 50 m€2, metallic links 25 m€, and bond wires 50 m€), which
may ultimately imply the silicon area dedicated to the power transis-
tor unnecessarily increases the cost of the device.

There are several strategies to decrease series metallization resis-
tance R,,, and they all start and finish where the power device ends:
at the silicon interface. The general V| -to-v, approach is to (1) steer
output current i, laterally from input bond pad V  to a low-imped-
ance plane (or planes) above power transistor S, (2) channel i, down
vertically to S.’s input terminal, (3) direct i, up vertically from S’s
output terminal to another low-impedance plane (or planes), and
(4) guide i, laterally to output pad v,. To decrease the vertical resis-
tance, first-level metal covers the entire ohmic surface area of each
emitter, collector, source, and drain areas. First-to-second level vias
carry the current vertically to low-impedance second-level metal
buses, as illustrated in the PMOS transistor example shown in Fig. 6.8.

Integrating the first-to-second level vias into the first-level metal
fingers decreases the first-to-second metal interface resistance. Some
process technologies now allow vias to sit directly above and overlap
the semiconductor-metal contacts, which means integrating vias into
the fingers incurs little to no tradeoffs with respect to semiconductor-to-
metal resistance, as vias do not take the place of semiconductor contacts.
Note the PMOS source fingers include integrated n+ back-gate (i.e.,
n-well) contacts to decrease n-well debiasing effects, as discussed
earlier, which is why the width of the source fingers is slightly wider
than the drain fingers’ is. The ratio of source-diffusion to back-gate
contacts is an engineering choice whose lower limit should not, in
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practice, fall below roughly four source-diffusion contacts to each well
contact to keep series resistance across the conduction path low.

In steering the current laterally to the bond pads, it is important to
note a lateral metal track above the transistor “picks up” (or “drives
down”) parts of its current as it traverses across the IC. When sourcing
current from the output terminal of a power transistor to output pad
v,, for instance, current increases as the metal plane carrying the cur-
rent derives more of its current from underlying current-carrying semi-
conductor regions. If this lateral metal plane has a constant width, the
current density throughout the plane is inconsistent, which leads to
current crowding and inefficient use of the area available. As a result,
increasing (or decreasing) the width of the sourcing (or sinking) plane
as its current increases (or decreases), as shown in Fig. 6.9, is usually
best. Depending on the ultimate location of the bond pads and the
number of metal layers used, current may grow or fade in a number of
different directions, giving the top-view layout geometry of a power
device a multitriangular look, as triangles represent equal current-flux
regions carrying increasing or decreasing currents. The metal traces
across a high-power device seldom appear rectangular, unless current
levels are so low that they incur negligibly low series voltage drops.

The power device should ideally sit close to the input and output
bond pads of the regulator, like in the corner of a large IC, to mini-
mize the lateral length (i.e., resistance) of the current-carrying top-
level metal planes. If placing the device immediately next to its bond
pads is impossible, multiple metal planes in parallel with the top-
level plane, which usually has the lowest sheet resistivity, should
carry the current to the pads. If more than three levels of metal are
available, they should parallel the efforts of the other planes with the
objective of decreasing series resistance (i.e., dropout voltage) and
balancing (i.e., ballasting) current flow to maintain current densities
low and consistent through the entire device. Similarly, when possi-
ble, using the pins in the lead frame that are closest to their respective
bond pads and allocating multiple bond wires (and/or bond pads) in
parallel for V and v decrease bond-wire resistance R,.

There are several ways to include over-current (i.e., short-circuit)
protection directly with series or parallel current sensors or indirectly
through thermal-shutdown features. A substantially smaller version
of the power transistor in parallel is a popular means of sensing cur-
rent because small sensing transistor does not add any series resis-
tance (i.e., dropout voltage) to the power path. Placing this sensor in
the middle of the large power array is important to combat the mis-
matching forces already inherent to the pair, such as short-channel
lengths (e.g., 0.18-0.35 pm) and large spreads in aspect ratios (e.g., the
power device is often one-to-several thousand times larger than the
sensor). This strategy often creates a discontinuity in the layout struc-
ture because one of the sensor terminals is not common to the power
transistor, but the matching benefits far outweigh the resulting routing
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idiosyncrasies. Although a temperature sensor is typically a different
type of device, the sensor should also be close to the power device,
but not necessarily in the middle, as the power device is the funda-
mental heat source in a linear regulator IC.

Buffer

The objective of the buffer is to drive the power pass device quickly
(i.e., with high bandwidth BW, ) and with minimal power (i.e., low
quiescent current I ). Because the large pass switch necessarily pres-
ents large parasitic capacitance C,,, the buffer must not only produce
low output impedance Z . but also sink and source sufficiently high
slew-rate currents I, to quickly charge and discharge C,,. The buffer
must also be able to swing its output voltage v, . wide enough to
both shut off and fully engage the power device (i.e., Avy . should
be high), and do so under low input supplies V', since the power lost
across the power pass device decreases with decreasing V. Addi-
tionally, the buffer should exhibit high-resistance (i.e., R, ) and low-
capacitance (i.e., C ) characteristics at its input to decrease their

loading effects on error amplifier A;,, which limit the regulator’s

loop gain and bandwidth. In summary, BW, . must be high, Z, . low,
I,low, I high, and Avy . high, and the circuit must survive low V
and present high R, ;. and low C,, . to A,.

6.2.1 Driving N-Type Power Switches
NPN BJT

Among all the single-transistor configurations possible, emitter and
source followers subscribe best to the high-bandwidth and low-out-
put-impedance requirements of the buffer. Of these, given the voltage
drop from V to the output of the buffer (i.e., v,) is in the critical
dropout path of a power npn BJT, p-type followers, as shown with

Qpgur and M, - in Fig. 6.10, are best suited because their respective

1,
Vin(© Ip >200 oy
BN(min)

VB1as

(a) (b)

Ficure 6.10 (a) PNP emitter-follower Q. and (b) PMOS source-follower

M, buffers suitable to drive power npn BJTs (i.e., Q,)-
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emitter-base and source-gate voltages do not constrain dropout volt-
age V. Despite the seemingly attractive feature of simplicity, p-type
followers suffer from poor power efficiency because biasing current
source I, must be sufficiently large (even during light loading condi-
tions) to supply the base current necessary to drive the power transis-
tor during worst-case loading, temperature, and process-corner con-
ditions, which translates to Io( / BMmin) (at cold temperatures and
weak process corners).

Designing a dynamically adaptive bias current is probably the
best approach for improving efficiency during light loading condi-
tions, which is another way of saying supplying large base currents
only when demanded. Adding a negative-feedback path from the fol-
lowing buffer to the sourcing current, as shown in Fig. 6.11, achieves
this, as the feedback loop supplies whatever sourcing current i, . is
necessary to ensure vy . follows A_,’s output v, by one constant V.
(or V,,) dc voltage. Technically, the loop is series-mixed and shunt-
sampled because M, . mixes v, and vy . with its source and gate
and samples v, . with its source, which means the buffer’s output
impedance is that of the follower divided by the loop gain of the
negative-feedback circuit (i.e., LG.):

‘max)

1 1
R, .= = (6.3)
PO 8 surlGrs  8umur(TasaSma)

Note that replacing NMOS and PMOS FETs with npn and pnp BJTs,
and vice versa, yields similar benefits, albeit at slightly different cur-
rent and impedance levels.

Transistors M, ,, and M,,;, are current-biasing transistors with the
former sinking more current the latter sources (i.e., I, > I,,) to use the

difference (i.e., I, — I,,) to bias M, .. Common-base current buffer

Ficure 6.11 Vin @
Dynamically . .
adaptive PMOS _Iﬂlm
source-follower c—
buffer M, . in ¢ |p2

negative feedback

with sourcing Mrz ||

transistor M,

designed to drive —

power npn BJTs 1 ,
1

(i-e., Qy)- Ij \ »
Mppypt :/I Vv 1: |
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Q,, folds the ac current flowing down M,y up to M, where r 4o
converts the current into a voltage and applies the voltage to the gate
of common-source amplifier M,,. Although the base of the power
transistor shares its connection with M, .'s source, which has low
resistance, large parasitic switch capacitance C, pulls the pole at v .
to low frequencies, near the pole the gate of sourcing transistor M,,, is
present. The purpose of compensation capacitor C_ is to therefore
pull the latter pole further down to lower frequencies and ensure it
remains the dominant low-frequency pole of the negative-feedback
loop.

Capacitor C_'s first-level polysilicon plate or poly 1, for short, is
connected to a low-impedance source (e.g., V) to shunt substrate
noise coupled through the poly-1 terminal to ac ground, as this plate
is closest to substrate and more prone to receiving noise (i.e., to sub-
strate-noise injection). Incidentally, the capacitor is tied to V| (instead
of ground) to ensure any noise in the supply couples to M,,,’s gate so
that supply noise remains common mode (i.e., in phase) with respect
to M,,,’s source for better power-supply rejection. M,’s gate drive,
which depends on V  (as M,,,’s source voltage) and Q,, (and its bias-
ing voltage V), and aspect ratio ultimately determine the maximum
current the circuit can drive to supply the power transistor’s worst-
case base current:

’ 144 IO(max)
IBUF e O'SKP (T](VSGZ(miH) - VTP)2 2 m (6-4)

However, under light loading conditions, the quiescent current of the
circuit can be as low as a few microamps. The tradeoff for this power-
efficiency benefit is a slower response time because the negative-feed-
back loop, as evidenced by the presence of additional capacitance C,
necessarily decreases the bandwidth of the otherwise open-loop
source follower.

NMOSFET

The power NMOS device has similar requirements as its npn coun-
terpart, except driving a base current is no longer necessary, which
means the requirements of the p-type follower buffers shown in
Fig. 6.10 are less stringent. Bias current I, must now supply and sink
the slew-rate current (I .,) necessary to charge and discharge large
parasitic switch capacitor C,, which is not trivial but often easier

than supplying a worst-case base current:

Av
IB 2 Csw ( Atccj = CSWAUBUF(max)BWBUF(min) = ISRt (6-5)
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where At . is the time required for the voltage across C, to traverse Av,.
in response to a load dump and Avy - and BW, .. (e, Af
represent the maximum Av. required and maximum At. allowed.
Note p-type follower Q. or M, ., with enough base or gate drive,
can more easily sink negative slew-rate current I, . Again, as with
the npn BJT, adding a negative-feedback loop (Fig. 6.11) can reduce
the quiescent current of the circuit by dynamically adjusting I, in
Fig. 6.10 to supply maximum current only during a transient event,

but like before, efficiency improves at the cost of speed.

C(max)_l)

6.2.2 Driving P-Type Power Switches
PNP BJT

The electrical characteristics of emitter and source followers syner-
gize with the requirements of the driving buffer, but of these, p-type
followers (Fig. 6.12) are often more practical for driving p-type
power transistors because their outputs rise sufficiently high (e.g.,
within v, or v, of V) to reliably shut off the power device. Only
raising v, . within a base-emitter or gate-source voltage of V,
which is what n-type followers essentially achieve, is insufficiently
high to ensure a substantially large and leaky power transistor is off
across process and temperature corners during light loading condi-
tions, where any undesired leakage current constitutes unaccept-
ably high quiescent losses. The other major dc requirement of the
buffer is to sink the worst-case base current of the pnp BJT, which
amounts to I, /By

The challenges of sinking a large base current are the driving lim-
its of error amplifier A,. In the case of a pnp follower buffer, for
instance, as shown in Fig. 6.124, sinking | Ofma) / Bp(min>2 (e.g.,100mA /152
or 444 pA) presents difficulties for A,, when only allowed to operate
with a minimal quiescent current, such as 10 pA or less. Similarly, a
moderately sized PMOS follower (e.g., M, . in Fig. 6.12b) sinking

PBUF

() (b)

Ficure 6.12 (a) PNP emitter- and (b) PMOS source-follower buffers suitable
for power pnp BJT applications.
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Ficure 6.13 Vin C?
Dynamically

adaptive PMOS Voras 4]l Iy > Iy
source-follower

buffer M. in Mpp,
negative feedback ~
with current-sinking _‘J — - O %o

transistor M, VEA . 1,/Bp
designed to drive MPBUF\

power pnp BJTs ‘ N
(i.e., Qup)- ‘T‘ |;N3 | o
Vs | B2 P2

yy

L(may” Pominy (€-8- 100 mA /15 or 6.7 mA) requires gate-drive voltages
on the order of 1.5-3 V or higher (i.e., V pop = | V| + [21,/K)(W/
L)]'%), which are difficult to achieve under low V (1 e, headroom)
conditions because V. must exceed Vo + VSG PBUFmay 1OT the
circuit to operate. Alternatively, a negative-feedback loop placed
around sinking follower buffer M, . to another sinking device (e.g.,
M, in Fig. 6.13) can supplement additional base current only when
required.

The idea is for feedback transistor M, (in the buffer driver of
Fig. 6.13) to supplement PMOS follower M, . with substantial sink-
ing current when heavily loaded and use little dc current when output
current I is near zero. The fact is M, . only sinks nominal biasing
current I, and M, , sinks what remains of I, (i.e., I, is I, — I,,) when
power pnp transistor Q,, is off. As the load (and the demand for Q,,’s
base current) increases, v,, and subsequently v, . decrease, and M,,
sinks whatever additional current is necessary to ensure v, . is a con-
stant V. drive above v, (as though V were a dc offset or a battery
voltage). As before, Compensatlon capac1tor C. ensures the dominant
low-frequency pole of the loop is at the gate of M,,, and connecting C..
to ground through its poly-1 plate ensures ground-bounce noise in
M,/’s source remains common mode with M, s gate (i.e., in phase),
directing in the process substrate-coupled noise to ground. In the end,
as before, the quiescent current saved in employing negative feedback
to adapt Ay, dynamically to Q,, offsets the slower response that
results from compensating the negative-feedback loop.

Although not always an option, more sophisticated power
biCMOS technologies offer the necessary mask set and processing
steps to isolate a low threshold voltage NMOS transistor, rendering
the otherwise unattractive NMOS follower practical in driving p-type
power transistors, now that it can raise its output within a smaller
margin of V. Substrate NMOS transistors that do not undergo the
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VN VBUF VEA (O) Dram ;
? ©—0 &
'A') RN

N+
Isolated P region
N+ Buried layer VBias l Iy> Lo(max)
P-Substrate Brmin)

(a) (b)

Ficure 6.14 (a) Physical profile view of an isolated natural (or native) substrate
NMOSFET and (b) its application to n-type follower buffer M, , . when driving power
pnp BJT Q-

threshold-adjustment process, for example, known as natural or native
NMOSFETs, typically exhibit zero bulk-bias threshold voltages V.,
near 0 V. What is more, isolating the bulk or body of this device by
effectively placing the transistor in its own well and short-circuiting
its bulk and source terminals avoids bulk effects and consequently
incurs no impact on threshold voltage V_, reducing gate-source volt-

TN/
age V. to a mere V/ (e, Vig=V, +V, = Vino T Vosean =

DS(gat) Flgure 6.14a 1ﬁi(15§£crates graphlcally hov\]/D ?;adt)eep n+ ring and an
overlapping n+ buried layer isolates the aforementioned p-type bulk
region from the substrate.

The isolated natural NMOS transistor, when used in a follower
configuration to drive a power pnp device, however, as shown in
Fig. 6.14b, does not, on its own, overcome the need for sinking a
large base current, so a large biasing current I, must exist. As before,
though, applying negative feedback around the M, . follower to a
sinking transistor can decrease quiescent current overhead by sink-
ing base current only when needed. In the illustrative example
shown in Fig. 6.15a, buffer transistor M, . and transconductor
amplifier G, mix v,, and v, and VREF and v,, respectively, which
means M, sources whatever current is necessary to ensure v, fol-
lows v, w1th a constant but relatively small dc voltage V, and
v, equals Veer

From a biasing perspective, G, ensures the voltage across R, is
constant and equal to the difference in voltages V| and V., which
in turn sets M, .’s biasing current. Feedback transistor M, sinks
this current and whatever current power switch Q,,, requires when
confronted with a load. Capacitor C_sets the dominant low-frequency
pole of the loop at the gate of M,, and its poly-1 plate connection
channels substrate noise to ground and ensures ground noise

remains common mode across M,,’s source and gate terminals.

GS.NBUF
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(@ (b)

Ficure 6.15 (a) Block- and (b) transistor-level schematic of a dynamically adaptive

natural n-type follower buffer M

\sur IN Negative feedback with current-sinking

transistor M, ,.

Because v, , must reach high enough to shut off the pnp transistor,
the voltage across R, should be kept low at around 100-300 mV, as
shown in the sample embodiment of Fig. 6.15b where differential
pair M, ~M,,,, and load M, constitute G, and V,and V. .are 1V
and 0.8 V, respectively.

PMOSFET

Like the pnp device, a p-type MOS transistor requires a high maxi-
mum input voltage Vy . during zero-to-no load conditions to
force the power device into its off state, which is why the p-type
followers shown in Fig. 6.12 also work in power PMOS applications.
The only problem with a p-type follower approach, however, is poor
dropout performance under low V (i.e., high-efficiency) conditions.
To be more specific, dropout voltage V in the case of a power
PMOSFET M, is inversely proportional to M,,’s gate drive V. ,and
therefore limited to the difference in supply V| and at least one

source-gate or emitter-base voltage V. or V, that is to say,

L ! 6.6)

- VON,PBUF - VEA(min)

V IR

po ~— ‘o*po &

VSG,O |PBUF ‘/IN

where Ry, is M, 's dropout resistance, V, represents the source-

ON.PBUF
gate or emitter-base voltage of the buffer,and Vy, . is Ap,’s minimum

‘min)
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output voltage, which is often one Vi or V. above ground.
Natural n-type follower buffer M . in Fig. 6.14, assuming an iso-
lated natural NMOSFET is available, is more attractive than a p-type
follower because it cannot only shut off the power PMOS transistor
but also extend its gate drive during dropout conditions by roughly

one source-gate or emitter-base voltage:

L >3 L 6.7)

IN VEA(min)

Vbo =IoRpg =

VSG4O |NBUF

As in the NMOS power transistor case, driving a base current
may no longer be an issue but charging and discharging the large
parasitic capacitor present at the gate of the power PFET is. In this
respect, follower buffers can supply substantial slew-rate currents in
one direction but not in the other because biasing current I, bounds
them. Applying negative feedback, as before, can supplement the
driving deficiencies of the follower at a fraction of the cost in quies-
cent current, as exemplified by the n-type follower M, . embodi-
ment of Fig. 6.15 and its p-type M, equivalent in Fig. 6.16. Note
resistor R, must be low enough to ensure the voltage across its terminals

Ovi

VBUF
%)
© \ Mpg

" o

VEA EMPBUF

VB
Ry h
Ficure 6.16 Dynamically adaptive p-type follower buffer M, _in negative

feedback with current-sourcing transistor M,,,.
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Ficure 6.17 7 c Vin
Dynamically 0.BUF SW

adaptive VEA P L, 5 Puss
rege_neratwe (i.e., S0 device
positive feedback) -= VBUF
transconductance Buffer

G, buffer.

does not push buffer transistor M, . or M, . into triode during slew-

NBUF PBUF
rate conditions, which would othc.erw1se increase VGS’NB‘UF or VSG.P'BUF
and decrease V. . Also, as with the others, applying negative

feedback necessarily slows the circuit because the loop introduces
another pole and requires its location relative to the pole at v, to be
low enough to ensure stable operating conditions.

The benefits of dynamically adapting the driving capabilities of
the buffer with follower transistors in negative feedback may not
always sulfficiently offset their bandwidth limitations to make them
attractive solutions, especially in system-on-chip (SoC) applications
where output capacitor C, is not large enough to keep the regulator’s
output (i.e., v,) from drooping considerably during large and fast
load-dump events. A localized regenerative circuit (in place of a
dynamically biased transistor in negative feedback), as graphically
depicted in Fig. 6.17, can dynamically adapt and bootstrap the other-
wise slew-rate limited buffer without surrendering to the bandwidth
limitation a negative-feedback loop imposes. The main issues with
positive feedback are proneness to sustained oscillations and diffi-
cult-to-reverse latched events, which is why positive-feedback loop
gain LG, must remain below unity:

G+FB <1 (68)

LG,.. =G
e 8msurLGrecS
8msurLGreg C +1

V4

+FB O.BUF ~

SW

where G, is the effective transconductance gain of the positive-
feedback path, Z, ; . the output impedance of the buffer, LG, the
loop gain of the regulator (i.e., of the outer negative-feedback loop,
the one regulating v,), and C,, the parasitic filter capacitance at v
Note one of the effects of the loop that regulates v, about V. (ie.,
LGy, is to decrease the buffer’s open-loop output impedance
because S.’s input terminal essentially shunt-samples v, . As a
result, ensuring LG, is less than 1 V/V is equivalent to saying LG,

exceeds LG, at high frequencies, when LG, is less than 1 V/V and
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its shunting effect on 1/g . . is therefore negligible, which means
ZO.BUF is roughly 1/gm.BUF:

A AR G
LG ~A A B = ealroles g ~ H
rec=ApaApoPrs Rig + Ry FBILGrpg <1 8m.BUF® 1
8m.BUF C +
SwW

(6.9)

where A, refers to the voltage gain across the power device and [,
the feedback factor of the outer loop (Fig. 6.1). In more qualitative
terms, the output impedance of the follower buffer Z_, - (in negative
feedback with power switch S through the loop that regulates v,)
must be low enough to damp the oscillations and latching tendencies
that result from the regenerative (i.e., positive-feedback) loop.

When considering the biasing condition of the follower buffer, it
is worthwhile to recall that the buffer’s bandwidth requirement var-
ies with output current I, which is why externally compensated
regulators (where output pole p, is dominant) conventionally place
buffer pole p, . (which resides at node v, ) at its worst-case high-
frequency location, when I ) and unity-gain frequency f, ,, are highest.
The problem is output pole p,, as graphically illustrated in Fig. 6.18,
increases with I, (i.e., p,, is proportional to 7~ and therefore proportional
to 1), which means fO s alsoincreases with I |, and worst-case extremes
of Ry, values exacerbate the total resulting variation. Ensuring py .
does not fall far below f . (i.e., py,, remains above py .. . ) translates
to biasing the follower buffer with enough quiescent current to guar-
antee a sufficiently low buffer impedance Z . (in the presence of a
large C,) across process and temperature corners.

In the same spirit of dynamic adjustments, considering high effi-
ciency is paramount in battery-powered applications, having the
regenerative loop presented in Fig. 6.17 also include a dc component

g g
= |, PO(min) =
2R £ | Pominy PO(max)
CIE N A
2 N Po(max) SN
< < | N2
£ o k= %,
g &, Pminy g, %, ZESR(min)
g1 PMOS "< Zpspemin) &1 PNP ~_ »
S | pass device ™ ppurmin PBUFmmay) = |Pass device ™ PBUF(min) BUF(max)
0dB N~ 0dB
Frequency [Hz] (og scale),K -~___~- ;:\ Frequency [Hz] (og 552:1\5 ST ~ ;:K
PBUF Requirement Ppur Requirement 1
(a) (b)

Ficure 6.18 Worst-case buffer pole p, . requirements with respect to output
current /, and the zero-pole pair that equivalent series resistor R, introduces

(i.e.

ESR

» Zesr @nd p;) in externally compensated regulators with power p-type

(a) MOSFETs and (b) BJTs.
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Transient response
Simulation results with and without boost element Mps

1.20 50
i 147
E 105 1 Trace a => V,,,, with Mps T 3 g
E (1)82 1 b Trace b=> V,, with Mps T 20 E
> 095 4 T+ 10 °
0.90 + Load current b=
0.85 1 0 g

0.80 1+ -10

0 01 02 03 04 05 06 07
Time [ms]

(b)

Ficure 6.19 (a) Dynamically adaptive pole-tracking natural n-type follower

buffer Mg . in positive feedback with current-sinking transistor M,, and

(b) its transient-response performance.

whose net result was to increase the biasing current of the buffer with
I, would be ideal. The circuit illustrated in Fig. 6.19a does just this,
employ positive feedback to accelerate the transient response of v,
while simultaneously adjusting the steady-state biasing conditions of
follower buffer M, .. In short, sensing circuit M ~Q,,-Q,, sources a
bias current into folding mirror M, ~M,, that is proportional to I,
establishing in the process a bias current for M, . that increases with
I, Figure 6.19b shows how the positive-feedback path accelerates the
time the regulator requires to respond to a 0-5-mA, 100-ns load dump
from roughly 60 ps (without positive-feedback transistor M) to less
than 3 ps (with M) with similar zero-biasing conditions.

To be more explicit, substantially smaller sensing PMOS transis-
tor M, directs a considerably smaller fraction of I, through current
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buffer Q,, to current mirror M,,-M,,, whose output current biases
M, With respect to I,. Source current [, ultimately biases M, .
during zero-to-light loading conditions (i.e., when I, is low) because
mirror M,,-M,, sinks a proportional ratio of I, and M,,/'s drain cur-
rent [, and I . is negligibly small when the regulator is lightly loaded.
Note that pulling a bias current directly from v, , altogether bypass-
ing current buffer Q,, and mirror M, —M,,, to bias M. during light
loads would starve buffer-mirror transistors Q,,, M, ,, and M, , of cur-
rent and correspondingly increase their response time (i.e., decrease
their combined bandwidth). The underlying purpose of sensor buffer
Qp—Q,, is to equate, to first order, M,;'s drain voltage to that of M,,’s
(i.e.,ensure V_ . isroughly V_ .0) so as to prevent M from entering
a dissimilar region of operation with respect to M. This “fix” is
important during dropout conditions, when M, enters the triode
region and v, drops close to ground, without which M, would
remain in saturation and be induced to source a disproportionately
larger current into mirror M, —-M,,.

During a fast positive load dump, when I , suddenly increases
and A, responds by decreasing v,,, Upur drops and, as it does, M,
drives more current into the current mirror so M,, pulls more current
from vy . and increases the discharge rate of parasitic capacitor Cg,
and the falling slew rate of v, .. Increasing the aspect ratio of M, and
the mirror gain of M, —M,, increases the transconductance gain of
this positive-feedback loop (i.e., increases G, ) and magnifies its
“speed-up” effects, except larger values may compromise the stabil-
ity performance of the regulator. As a result, the aspect ratios of sense
PFET M, and mirror transistor M, with respect to M, , are optimum
when they are relatively large, but just below the point they induce
unacceptably long and/or large oscillations in any one of the worst-
case process, temperature, and operating corners of the system. This
worst-case point may fall in one of several corners, such as with strong
PMOSFETs (e.g., strong M. and M,,.,), weak NMOSFETs (e.g., weak
M, 5p), low temperature (i.e., stronger FETs), high V| (e.g., more gate
drive and therefore stronger M, and M,), high I, and low C, (e.g.,
high p.), and high R, (e.g., low z_;).

Placing low-pass filter R ,-C,; in the positive-feedback path as
shown helps decouple the dc and ac performance of the positive-
feedback loop because decreasing LG, ., sooner in frequency (for
stability) affords the circuit more margin for higher low-frequency
positive-feedback gain. In practical terms, the filter extends the bias-
ing range of M. (1-€.; I gypminy 1O I\purmay) aCTOSS I, by offsetting the
larger M, —M,, mirror gain and the larger positive-feedback gain it
implies with a slower positive-feedback response. In other words, the
filter decreases LG, ,, at higher frequencies, ensuring LG, falls below
LGy, across all frequencies of interest, where LG .. decreases and
nears f, ..
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Circuit PMOS Process
Parameter | Specification | Parameter Value
Vi, 1.1-1.6V |Vl and V 0.6 V150 mV
I, <50 mA Vo nar 0OV +150 mV
BW, >100 kHz K; 40 pA/V? £ 20%
BW, . >1 MHz K, 100 pA/V2 £ 20%
Lo <4 pA L >0.35 uym
BUF(max) Viv = Wap)! 7‘“ min) (500 mv)?
VBUF(m 0.2V L,, 35 nm
Cov 2.5 fF/pum?
Boene 50-150 A/A
V. one 15V

TasLE 6.3 Target Specifications and Process-Parameter Values for the
Buffer in Example 6.2

Design Example 6.2 Refer to the specifications and process parameters outlined
in Table 6.3 and design the dynamically adaptive, pole-tracking positive-
feedback buffer illustrated in Fig. 6.19 to drive the power pass device designed
in Example 6.1. The no- and full-load (i.e., 50 mA) bandwidths of the circuit
should be higher than 100 kHz and 1 MHz, respectively, with a no-load
quiescent current of less than 4 pA and an output voltage swing ranging from
0.2 Vto Vi = | Vipgun| (to shut off power PMOS M,). A 0.9-1.6-V NiMH
battery supplies the buffer but its intended range is only 1.1-1.6 V because
(1) MOSFETs with 0.6 V + 150 mV thresholds in analog circuits constrain
headroom limit V. to |V, | + 2V (e.g., 1-1.1 V) and (2) the energy
that remains in the battery across its 0.9-1 V range is considerably low.

Architecture notes

1. Common-base transistor Q,,:

AtV =1Vand V=1V, Q,, is saturated:
VEC.P4 = (Vo - VEBAPS + VEB.P4) - VGS.N] = Vo - VGS.Nl =~1V-1V=0

so shift I, and insert dc level-shifting resistor R,. as shown in Fig. 6.20:

V.

ECPs ™

1%

()

-

GS.N1

- I,,R,0) 2300 mV

Q,, is now only lightly saturated (i.e., still in a high-gain mode).

Transistor design

2. Zero-load parasitic capacitance Cy ., (at vy.):
C =~ = 2C” WooLpo +CoxWooL
BUF.0 ~ ~SG.PO ~ 3 -OX''PO ro T LoxVrolov

CS
%(5 £)(18.3 k)(0.35) + (5 £)(18.3 k)(0.035) = 25 pF
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Ficure 6.20 Dynamically adaptive natural n-type follower buffer M . in
positive feedback with current-sinking transistor M,, and modified to
accommodate an output voltage of 1 V (and prevent common-base transistor

Q,, from deeply saturating).

3. Full-load parasitic capacitance C (ato

BUE50mA BUF) :

C

sUE.s0ma =~ C +C

SG.PO T “DG.PO(Miller)

2 ., ”
= ECOXWPOLPO +CoxWooLoy(&polsdro)

W
2 2IOmaxK1,’[_j
=3 CoxMWrolro + CoxWroLov @0\ L )y
I

O(max)XL(min)

) \/2(50m)(40p)(1§; 3351‘)
= $(60(18.3(0.35) +(5)(18.310(0.035)| A —zg o
=80 pF

4. Full-load bandwidth BW,

50mA*°

1
1 (/P S—
S0mA 2% Chiip 50 ma Rour

, (W
\/ZINBUFSOmAKN( L ]
8mNBUF__ _ NBUF

~2nC 2nC

>1MHz

BUF.50 mA BUF.50 mA
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2
2nC BW. :
WJ > [ BUF.50mA 50mA:| _ [(2W)(80P)(1MHZ)] ~1.6m
NBUF N(min)

or I\pursoma ( i3 2K’ 2(80 1)

. w 12 um
if (T)NBUF = m then INBUF.SOmA =~ 46 l.,lA

(Note a smaller M, . implies a higher LG, ; and a larger M, ;. presents a larger
parasitic capacitance to A;,.) Choosing a 1:1 M, —M, , mirror ratio means (W/L),,

equals (W/L),, by design

(ﬂj (18.31()

Lo \0.35)_50mA

R
L P PS

5. Zero-load bandwidth BW ;:

1 - SmNBUF__

>100 kHz

, (W
2Lgur.oKy (Tj
BW. ~ NBUF
O 2nCyupRpyr  2mChupy 2nCyypg

[21Cyp o BW, | _ [2r(25 p)(100 kHZ)

or INBUF.O 2 2
I,\l( in) (‘2/) ( )(0135J
NBUF .

~0.054

(while adding margin to swamp coupled noise) I ., = 0.5 pA.

6. V :

BUF(min)

21
\74 __TNBUFmay) <) 9y

v DS.N2(sat) ES

BUF(min)
’

N (min) T N2

so choosing 3L, to minimize channel-length modulation (i.e., 1) effects:

(ﬂ) S ZINBUF(maX) _ 2(46 1) —08.7
LN, V]%S.NZ(sat)KI,\I(min) (0.2)*(80 w)

o (1) <(1) o 3
L)y, \LJy 3(0.35um
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7. Positive-feedback filter R -C_.:
Set feedback-filter pole f, ., to 100 kHz to ensure positive loop gain LG,
starts dropping past 100 kHz:

~— <
fors INC Ry 100 kHz

so if C,, =5 pF (considering that a larger C,,, when using 5-fF/pum?*
capacitors, requires more than 32 um x 32 pm of silicon area),

1 1
R, > = =~320kQ
B 2nChp fops  27(5 p)(100Kk)
8. Ensure Q,, only saturates lightly (i.e., Vi p, < Vi =03 V):
VEC.P4 (min) ~ Vo - (VGS.Nl(maX) - IBlRDC)

21
NBUF(max) + IBlR

=V,-V, 203V

o TN(max) , w DC =
KN (min) (T)Nl
and having picked I, as 0.5 nA,
2INBUF(max)
VEC. P4(min) Vo + VTN(max) + , w
KN (min) (TJNI
R,.2
DC IBl

(0.3)= (1)+(0.75)+ |—280HW)

LY
= : =501kQ Ry =500kQ

0.5w)

9. Bias current [ ,:
Choosing I, as 0.5 pA by design

IP4(max) (46 1)
IBz(min)2 B( o +1py = (50)

+(0.5n)=1.4pA

Choosing I, as 2 nA allows a +30% variation in I, keep the current
above the 1.4 pA target.

Design checks
10. Positive-feedback stability:

a. Since loop gain LG
(because M, is off)

g (from o, backto v, )is0V/Vatl,=0mA
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No ac positive-feedback effects exist when the regulator is unloaded
and the circuit therefore remains stable, assuming the outer loop is
stable to begin with.

b. Atl,=50mA, LG, is greatest with a worst-case high-frequency (HF)
gain of (when outer loop gain LG, is below 1 V/V and its effects on 1/

8,.nsur are therefore negligible)

gnl
LG,, = Pout _| Zent || Pour gml"S] gN2 s
m.NBUF
Ut Uy vg.Nl 8mN1 gmNBUF[ +1J
W
21 K'(_
- 8m.ps "L s
&1.NBUE M"'l 215Ky (KJ
) Cow L Jnpur
(4011)( )
- —01325z0.75<1
100
( ”)(o 35)

No sustained oscillations appear below or above f, ..
(Applying worst-case 3-6 extremes for K; and K simultaneously is
probabilistically unreasonable. Note f, ., attenuates LG, , past 100 kHz,
before and after BW, ,.)

11. Closed-loop small-signal buffer gain A, (i.e., v, ./, ):

a. Decomposing M, .’s g, into its gate-source components, as shown in
Fig. 6.214, reveals the positive-feedback loop mixes M, .'s v, -derived

NBUF
current i, with M, ,'s feedback current i, M,;’s gate senses v, , and the
resistance into MNBUF v, ,~derived transconductance is 7, ;. |1 1/8,, nsur
orroughly 1/g v

Open-loop forward transresistance gain Ago (e, v, /i)is 1/8, \wur
and Ay, is v, ’s translation into i, times closed-loop transresistance gain

A, . or

R.CL
Uy i\ Uy i A
Apyrpe E( ;c:jz(Z]( zfj (vcajARCL gmNBUF[l ]lng j

1
= &u.NBUF (gm.NBUF] ~4
1-(0.75)

DC

or dc gain Ay, is 12 dB (as corroborated with the Spice simulation
results shown in Fig. 6.21b).

b. LG, is0V/Vat], = 0mA

Aguepe = 1 or 0 dB (because no ac positive-feedback effects exist).
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vea g m
A
<

Vouf8m
&

&

< =
=
oS
&

]
p2 Rep

pl Crg  MIRROR

(@)
20
Agur.pe fpre .
J ABUF.HF
N / 0dB
0 f
frrs-LG g pe e \&
m BWsgmi
= 20
=
=]
< N Jout
\ vea
—40
@I,=50 mA
~60 ! l ! l

100Hz 1.0kHz 10kHz 1.00kHz 1.0MHz 10MHz 100MHz 1.0GHz
Frequency [Hz]
(b)

Ficure 6.21 (a) Decomposing NMOS follower M, .'s transconductance g
into its v_ - and v, -derived gate-source components to examine the positive-
feedback loop and (b) Spice simulation results of the closed-loop small-signal

buffer gain A, _or v, /v, when output current / is 50 mA.

c. Positive feedback converts f,, ., into a pole at (1-LG ., , )f; 55 (-, 0.25f, )
and a zero at f, .

Rop j[ S ] ( s ]
+1 R |—2 41
R. = Rop _ (1_LG+FB.DC 21fp kg _ OLDC 21tf,
L= T = =
LG, rppc s s

+1 +1
1- s +1] 2“(1_LG+FB.DC)J(P.FB zn(l_LG+FB.DC)fP.FB
A 2y g
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d. Since LG, ;3 pc is less than 1 V/V, high-frequency loop gain LG
Agupyr Past f, o, (and before BW,_, that is, below 1 MHz) are

and

+FB. HF

LG 1

LG, rppr = ;FB'DC < S | <<1

(_f + 1) ( 7 + 1)

P.FB P.FB > fors
A = ; = l_z Z)buf =g ROL
BUF.HF ] o i mNBUF| TOLG, o
frrp<f<BWsoma e ! HF g
= &.nsurRorL = % =1 or 0 dB (as shown around
m.NBUF

200 kHz in Fig. 6.21b)

12.V, , (assuming V,

BUF(max

Amay) is within one V or Vi wim of Vi, as for
example V=03 V):

SD(sat) EC(min)

2IN'BUF.O

VBUF(max) > VEA(max) - VGS.NBUF,O(max) = VEA(max) - VTN.NAT(max) + W
Kr’w =
min) L NBUF

2(0.5
V=03 015+ 2028y 047V < V- Vi
(80 “)(o 35)

Absolute worst-case V. is below its target specification by 20 mV
(does not meet the specification).

a. Assuming ideal conditions (i.e., Vg \puroea 15 N€2rly 0 V when lightly
loaded and V, is therefore roughly V.

GS.NBUF.0(max) TN.NAT! max))
VBUF(max) =V, -045V
The circuit barely meets the specification under ideal circuit
conditions; in other words, the architecture is the limiting agent.

b. Inequality VBUF(maX) 2V, - VTP(mm) | combines 3-6 V. AT(may) (in VBUF(maX))
and V., . linearly, which is not realistic, so exceeding the specification
by only 20 mV when applying improbable worst-case conditions implies
the circuit meets the specification with an acceptable degree of risk.

13. Zero-load quiescent current I, ;:
Loy =Ly + Lo + Iy = Iy + Iy + 1, = (0.5 pA) + (0.5 pA) + (2 pA) =3 pA
so a 30% variation in I, (i.e., I, can be as high as 3.9 nA) keeps the buffer

power within specification.

a. Full-load quiescent current I, , is

IQ.Sl)mA =L s0ma T Ivisoma + Ips = (46 HA) + (46 pA) + (2 nA) = 94 pA
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which with a 30% variation, can be as high as 120 pA. Note 120 nA is still
substantially below I, (i.e., 50 mA) so its impact on full-load efficiency
is negligible.

‘max

14. V[N(min) (assuming the minimum voltage across I, is a small VSD(SM), like for

example 150 mV):

2 INBUF (max)

+Viiimi
KI,\]( ) )(ﬂj B1(min)
min)\ T, N1

V. +
— = T
‘/IN(min) - VGS.Nl(max) + VBl(min) - Nimax)

+(0.15)=1.1V

The circuit meets the headroom limit specified.

6.2.3 Layout

Perhaps the most important layout consideration for buffer A, is
its placement relative to error amplifier A, and power switch S
because parasitic delays caused by physical separation decrease
bandwidth performance. As such, the silicon distance between A_,’s
output and Ay .'s input should be as short as possible, as should the
separation between A, 's outputand S ’s input. Similarly, to increase
the bandwidth at every point in the circuit, the layout should be gen-
erally small and modular so that its constituent paths remain short
and low impedance (i.e., they introduce low parasitic series resistance
and shunt capacitance).

Although A, . does not drive the currents power device S sources,
A, supplies considerably higher currents than A_,, especially during
heavy loading conditions, which is why supply rails V| and ground
should be relatively wide (e.g., 5-8 nm) and fairly ubiquitous. They
should also spread evenly through the circuit, as in a bus, to avoid
introducing unmatched series voltages that could otherwise emitter-
or source-degenerate transistors unevenly. Although matching devices
in this circuit is not critical, reliability and efficiency (because unpre-
dictability leads to higher currents than necessary) require nominal
matching performance from biasing transistors, current mirrors, and
differential pairs (i.e., transistors with the same orientation, similar
geometries, modular layout, and side-by-side placement).

Error Amplifier

Power efficiency and accuracy are vital parameters in the design of
error amplifier A;,. To start, as with power device S and buffer A,
A, must survive low V| conditions (when the voltage across S, is
low) and demand low quiescent current I, for higher power efficiency
and extended battery life. A;, must also respond quickly (i.e., with

265
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high bandwidth BW_,) to dampen the adverse ac-accuracy effects of
fast load dumps and supply ripple (as in power-supply rejection PSR)
on regulator output v,. What is more, dc-accuracy characteristics like
load regulation (LDR), line regulation (LNR), and initial accuracy
depend on reference V. and A_,, which means A_,’s open-loop gain
must be high (but not high enough to compromise stability) and sys-
tematic and random input-referred offset V¢ low. Architecturally,
A,,’s output stage (and output voltage v,,) must also consider the
current- and voltage-drive demands of Ay .. As a result, in summary,
VIN(mm) must be low, [ o low, BW_, high, PSR high (i.e., good), A, high,
Vs low, and v, compatible with the driving demands of A,

6.3.1 Low Headroom (i.e., Low Input Supply)

A,,’s input common-mode range (ICMR) requirement, as set by V.,
has an impact on the minimum input voltage (i.e., Vi, . ) the circuit
can accommodate without losing considerable gain. Headroom limit
V Ny defines the point beyond which further decreases in V| push
one or more high-gain transistors into their low-gain state: triode.
More to the point, assuming the input stage is the limiting agent, V.
and the minimum headroom allowed by A.'s upper ICMR point
(e.g., Vyoom, in Fig. 6.22a) determine A,,’s V|

IN(min)®

V.

IN(min)

VREF VROOM+ (6 10)

ViN(min)

VIN(min)

I Vsg Ve

VrRoom+

VsG + VeEmin) —VBE
Vroom+
Vs + VeEmin~—2VBE

>l

'VeEming  +

VrRoom-
VBE +VDs(sat)

VBE + VDssar)

Vbssat)

[%%

VBIas

<

(@ (b)

Ficure 6.22 Headroom limits (i.e., V) for n-type input differential pairs

IN(min

loaded with (&) basic p-type and (b) compiementary hybrid supply-referenced
mirrors.
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which is why low-voltage references synergize with lowV
requirements.
Decreasing V. tominimize V. necessarily pushes A, toward

REF in)
one of its ICMR extremes. For example to keep V low Veer

IN(min)
should only be high enough to bias an n-type differential pair just
above the triode point of its single-transistor n-type tail-current sink,

clearing negative headroom limit V.

Viernen = Vroom- = VBE(cold) VCE(mm) 1v (6.11)
or
Vieramos ™ Vroom- = VGS(hot) + VDS(sat) =Vint ZVDS(sat) ~1.25V (6.12)

where V. and Vi, - correspond to the worst-case (i.e., highest)
base-emitter and gate-source voltages, respectively. Similarly, V..
should be low enough to bias a p-type differential pair just below the
triode point of its single-transistor p-type tail-current source (with

respect to V), clearing positive headroom limit V. :

(N(min)
VREF PNP — ‘/IN(mm) VROOM+ ‘/IN(mm) VEC(min) - VEB(cold) ‘/IN(mm) 1V
(6.13)
or
VREF PMOS = VIN(mm) VROOM+ = VIN(mm) VSD(sat) - Vsc
= VIN(min) - ZVSD(sat)_ |VTP = VIN(min) -1.25V (6.14)

Although not always the case, most references derive their out-
puts from the characteristic bandgap energy of silicon, which is why
they normally generate voltages near 1.2 V. Attaching a resistor string
from the bandgap point to ground with user-defined taps, however,
divides this voltage to any desired value below 1.2 V, so using a tap
point as V.. (i.e., V.. is below 1.2 V) increases A,,’s flexibility with
respect to ICMR and V.. Similarly, increasing the value of V. is
also possible by attaching the 1.2-V high-impedance bandgap point
somewhere in the middle of the resistor string (between V. and
ground) so the voltage divider can effectively amplify 1.2 V to the
desired level, just as an operational amplifier would in a noninvert-
ing feedback configuration.

The only problem with low reference voltages is noise coupled
through the common substrate and injected directly by other switch-
ing blocks in the system such as switching power supplies, data con-
verters, digital signal-processing (DSP) circuits, and so on. The point
is reducing V.. does not decrease its noise content, which means
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noise becomes a larger fraction of V., when V___is lower (i.e., signal-

to-noise ratio, or SNR for short, is lower). As a result, because the
linear regulator multiplies V. and all its noise to its target output
voltage v, by ratio V/ V.., higher (i.e., better) SNR results when V/

REF/ REF

is high and ratio V,/V_.. is low, which means, given equivalent

VIN(min) limits, using an n-type differential pair whenever possible

often produces better SNR results.
Low V.. values alone, however, do not guarantee low VIN(min) limits,
as not only positive headroom limit V., plays a critical role in
IN(mm but so does the rest of A, (and the regulator, for that matter).
Applying a basic p-type mlrror load to an n-type differential input
pair, for instance, as shown in Fig. 6.224, places an emitter-base or, in
this case, source-gate voltage V. in the ICMR path from V. to V .
The hybrid supply-referenced m1rror load in Fig. 6.22b counters this
V., by base-emitter voltage V, and consequently reduces the V.
drop across the mirror load to V,, — V, except this technique only
works if V. is greater than V_ across the entire temperature range for
all process corners, which is not always necessarily true. Replacing the
level-shifting npn B]T with an n-type MOSFET whose threshold and
saturation voltages V., and V. combined exceed those of V.
achieves similar objectives with a lower risk of pushing the mirroring
PMOS into triode because p- and n-type FET parameters track better
across process and temperature than FET parameters track B]T’s.

A diode-connected BJT or MOSFET (i.e., collector-base or drain-
gate shorted transistor) and a single-transistor current load constitute
one of the most fundamental building blocks in an analog circuit so
the lowest possible headroom limit a regulator can achieve is the sum
of one V or V, and one V cimin) OF Vpseay: While V.. (the minimum
value of Wthh negatlve headroom limit V  sets) and positive
headroom limit V. in the basic configuration shown in Fig. 6.22a
define a headroom limit (e.g., Vine ) that is worse than the funda-
mental extreme just mentioned:

min).a:

- VREF

+V

ROOM+ — 2V

ROOM-

+V

Room+ = Ve +V

DS(sat) T

+V,

CE(min)

(6.15)

VIN(min) a

the same is not necessarily true for the hybrid mirror case in Fig. 6.22b
because V ultimately offsets V__ and decreases the resulting limit to

Vinminys > Vrer + Vrooms 2

\%

ROOM-

+V

ROOM+

=V

«tV

DS(sat)

+V

CE(min)

(6.16)

-V

BE

In practice, however, the margin necessary to overcome the inherent
mismatches in V, and V_ with respect to process (e.g., how |V_,|
and Vg, match V or how |V, | and hole mobility p, match V

and electron mobility p, in the case of an NMOS level shifter) and
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Ficure 6.23 Headroom limit (i.e., IN(mln) for a natural NMOS differential pair
loaded with a folded supply- referenced mirror.

Vasmay + Vbssar

temperature dependence typically increases V. past the funda-

IN mm) b
mental limit. Note V. is tightly coupled to V.. in these two cases

so variations in VREF further increase (i.e., degracrl{g)

Decoupling V.. from the headroom path cannot only decrease
V N(miny PUt also relax the requirements on V... The circuit shown in
Fig. 6.23 achieves this by (1) folding the load to reduce positive head-
room voltage V., and (2) using a low-threshold device (e.g., natu-

ral NFET in this case) to lower negative headroom voltage V., .

IN (min)”

Given the nature of the fundamental diode-connected limit described
earlier, however, reducing V. to one V  and one V. is diffi-

cult because every current path in the circuit experiences similar or
worse constrains. Consider bias voltage V., in Fig. 6.23 and its cor-
responding series path to V, for example: the minimum headroom
is the sum of current-source source-drain voltage V., cascode
source-gate voltage V..., and the Vi~ that must exist between
Vas, and ground, the sum of which surpasses the fundamental limit
of Vg + Vg Note, however, cascode devices M, .,,-M,,, need not
match well (as will be discussed in Sec. 6.2.3) so their aspect ratios
can be relatively high and their corresponding saturation voltages
low.
The current-source path to ground through M, and M, , and the
input stage also present similar V. -limits, considering natural NFETs
M,,, and Mle mitigate the impact of V. in the latter. While M, s V
and M,;,’s V., present the fundamental limit, the input stage path
does notbecause, as with V. the reference circuit necessarily includes

BIAS2/
atleastone Vi . or Vg,  voltagebetween V| and V  toensure V.

REF
remains constant with respect to ground. As a result A,s input path,
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which consists of V. ,,, and V. ., also includes another VSD(Sat) from the
reference circuit. Natural NFETs in the differential pair ultimately
reduce the V, component by nearly one V_,, negating the adverse
effects of the additional V. . and supplying margin, in return, for
lower aspect ratios and, in consequence, better matching performance
in M, , —M,,, (i.e., longer channel lengths decrease mismatches). In sum-
mary, n-type input stages tend to increase (i.e., improve) SNR, natural
NFETs relax the requirements on V, .., and folding architectures decrease

REF’
(i.e., improve) headroom (i.e., VIN(min)) limits.

6.3.2 High Power-Supply Rejection

N-Type Power Device

Power-supply rejection (PSR) superimposes architectural require-
ments on the loading mirror of error amplifier A;, that primarily
depend on the power pass device the regulator uses. Because n-type
pass transistors are in a voltage-follower configuration, for instance,
and they impress whatever ac signal is present at their inputs onto v,
A, must suppress as much of the supply ripple as possible in v,,.
Ground-referenced mirror loads, as discussed in the previous chapter
and shown in Fig. 6.24, do just this, subtract the supply ripple injected
into v,,. To be more explicit, M, , transistors in Fig. 6.244, b, and ¢ sub-
tract the supply ripple injected from v, to v, by M, —M, in Fig. 6.24a,
M,, in Fig. 6.24b, and M ,-M, in Fig. 6.24c because M,,, devices
receive similar ripples at their respective inputs. As a result, to first
order, ground-referenced mirror loads produce supply gains (i.e., A
orv,,/v,) that near 0 V/V and PSRs that tend to infinity.

P-Type Power Device

As veritable complements, the input of a p-type power device must
receive the same supply ripple already present at its emitter or source
to keep the ripples common mode (i.e., in phase) with respect to
emitter-base or source-gate terminals, in other words, to prevent the
transconductance of the device from amplifying any difference in
ripples. Much like ground-referenced mirrors subtract supply ripple,
the supply-referenced counterparts shown in Fig. 6.25 and discussed
in the previous chapter source the fraction necessary to fully impress
v,/’s ripple onto v,,,. In more specific terms, the transconductances in
M,,, devices in Fig. 6.25a, b, and ¢, which constitute the mirror por-
tions of the transistors, introduce approximately half the ripple pres-
ent in v into v,, (because their inputs source that much equivalent
current) while the output resistances (i.e., r, ) in the supply path inject
the other half. Ultimately, supply-referenced mirror loads yield sup-
ply gains (i.e., A or v, /v, ) and PSRs near 1 V/V and carry ac supply
ripple v, inv,.
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Ficure 6.24 (a) and (b) P-type and (c) n-type differential input pairs with (a) and
(c) basic and (b) folding mirror loads referenced to ground, which are suitable
for n-type power pass devices.

Generalities

The canceling and summing effects of these ground- and supply-
referenced mirrors hinges on the symmetry of the circuit and the mir-
roring features of the load, so keeping the design symmetrical and
the mirror as ideal as possible are important. The overriding assump-
tion in the previous two subsections, however, is that the input resistance
of the mirrors (e.g., 1/g,) is substantially lower than the resistances
driving them because the latter resistances redirect and distort the
current the mirror is able to reproduce with respect to the supply-
injected current already present at the output. As such, PSR generally
improves when the impedances to supply rails v, and ground are
high, which means high Early-voltage B]Ts and long channel-length
MOSEFETs favor high PSR performance.
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VBias

VB iasD

VBias] MB]

(©)

Ficure 6.25 (a) and (b) N-type and (c) p-type differential input pairs with (a)
and (c) basic and (b) folding mirror loads referenced to supply v,, which are
suitable for p-type power pass devices.

6.3.3 Low Input-Referred Offset

Any input-referred dc offset presentin A, (i.e., V) translates directly
to a dc offset in v, because the noninverting negative-feedback con-
figuration of the linear regulator (Fig. 6.1) amplifies V_ (along with
reference V) by user-defined or application-specific ratio V,/V .,
which means V degrades regulator accuracy. As such, keeping V',
low is imperative, especially when considering its dependence to
temperature compounds its adverse effects on v,’s accuracy. How-
ever, while keeping the systematic component in V_, low is mostly a
circuit-based exercise, random variations in V_, depend on both the
circuit and its silicon-based embodiment.

Systematic
The most common cause of systematic offset in analog circuits is
asymmetry in the circuit. All the amplifiers in Figs. 6.24 and 6.25, for
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instance, would be perfectly symmetrical if their respective outputs
(i.e., v, terminals) were to duplicate the dc voltages already present
on the other side of their load mirrors, which normally falls within
one base-emitter or gate-source voltage from either supply. Other-
wise, if a voltage mismatch AV exists, the gain across the error ampli-
fier attenuates AV by its gain (i.e.,, A;,) and introduces a systematic
input-referred offset V. at its input that is equivalent to

AV
Voss = A,

(6.17)

which is why keeping A_, as high as possible, given the stability con-
straints of the system, is important. For example, a 0.5 V mismatch at
the output of a 40-dB (i.e., 100-V/V) amplifier introduces a 5-mV sys-
tematic offset at the input of the amplifier, which degrades the room-
temperature accuracy of a 1.2 V reference by roughly half a percent
(if not trimmed) and the temperature-drift performance by V. /’s
drift across temperature.

Reducing the impact of V. . on accuracy would be easier if the
gain across A, had not been constrained by the stability require-
ments of the regulator and dc offsets in v, had not been inherent.
Because A,, in n-type power-transistor applications is normally
higher than in their p-type counterparts (given n-type followers
contribute little to no voltage gain and A, must therefore amplify
the deficit), regulators with n-type power devices tolerate higher
systematic offset voltages in v,,. For example, an NMOS ground-
referenced mirror dictates V, should be a V above ground (e.g., 1V),
yet a 2.5-V output with an npn power device sets V. at roughly
3.2 V and a PMOS follower buffer translates that toa V, of 2.2V,
resulting in a 1.2-V offset in v, and a 12-mV systematic input-
referred offset (assuming A_, is 40 dB). Similarly, a PMOS supply-
referenced mirror dictates V, should be one V_; or V. below V,
and although a p-type power transistor sets V. at one V, or V_
below V , Agur introduces an offset of 0.3-1.2 V, which when
divided by 40 dB, for example, translates to 3-12 mV of systematic
input-referred offset.

Wide dc voltage swings at the input of power device S (i.e., at
Ugur @nd consequently at v, ) in response to large output-current
variations exacerbate the problem. Assuming the regulator remains
out of dropout (i.e., in the linear region), A, is 40 dB, and considering
overdrive voltages of 250-500 mV in S, in response to 50-100-mA
load currents are typical, systematic input-referred offset voltage
variations of 2.5-5 mV are not uncommon. This offset increases as
the regulator approaches the dropout region, where gain drops
drastically and V.. increases proportionately. Note this load-

0S.S
dependent variationin V__ (i.e., AV, ) represents a load-regulation

0s.s 0s.s

IN/

23
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(LDR) effect because changes in I | lead to steady-state fluctuations

in Av, . and ultimately in v, (via V), so a more accurate depic-
tion of LDR is
Av V
LDR=—C=Al R . +AV [—Oj
Al o™o.cL 085\ Vo
AV V
=ALR + EA(max)]( 0 J
O '0.CL [ AEA VREF
Av Vv
~ALR + SG.PO(max) ( o) J
o™o.cL ( A, Verr
1\ Al [ \ j
~AI R + max 0 (6.18)
oot KAEA)[gm.O(avg) Vier
where AV . degrades LDR, R, refers to the closed-loop output

resistance of the regulator, g, is S,'s average transconductance
(e.g., evaluated at 0.51,, ), and Al represents the worst possible
full-scale dc variation in i,, which produces AUSGAPO(mX) (i.e., AUBUF(mM
or equivalently, if Agpis 1V/V, Av, A(max)).

A way to mitigate the swinging effects of vy . on v, in response
to large-signal variations in output current i, in other words, to
reduce do,, /di, and its resulting LDR degradation is to shift v, . by
an oppositely phased load-dependant voltage drop. The dynamically
adaptive positive-feedback n-type follower buffers for PMOS power
device M,,, shown in Figs. 6.19 and 6.20 do just this. To start, as with
all power p-type devices, the loop and the pass transistor react to an
increase in I by decreasing the dc level of v . so dv, ./ di, is negative.
In response to this drop, the current sensor (i.e., M) and mirror (i.e.,
M,,—M,,) combination that comprise the positive-feedback loop in
buffer Agor pull more drain current J A— from follower .7 R—
increasing its corresponding gate-source voltage V., and produc-
ing a positive dv g\ ,,/ 41, The result is positive dc changes in M .
v, compensate corresponding negative dc variations in v, reduc-
ing the overall large-signal variability of v, with respect to I, and its
effect on V.. and LDR:

doug, 3 do do do do

GS.NBUF + BUF _ GS.NBUF __ SGO

di, di, di, di, d,

- 1 (1 (6.19)
gnLNBUF(an) gm.PO(avg)
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where g\ pir AN g, POfavg) AT M, 5's and M, )’s average transcon-
ductances across I’s entire range. Interestmgly, over-compensatmg
the circuit by allowing | dv ./ di, | toexceed |dv.. /di,| (assuming
the change is benign to the rest of the circuit) improves LDR perfor-
mance (i.e., dc accuracy) because a negative systematic offset, which
amounts to a dcload-dependent voltage shift across A, . that produces
a correspondingly higher Av,, during heavier loads, offsets the low

loop-gain effect AI R, produces

Av V.
LDR = AI =AILR, o + ( v EAJ(V—O] =AIR,

0 EA REF
AZ}BUF(max) B AZ)EA(max) V,
J{ A &= AlGR, o
EA REF
LU Al Al ( v, ] (6.20)
Apal & m.PO(avg) K,8 m.NBUF(avg) Vier

where M, . carries a fraction of I, that is equivalent to a mirror
attenuation between M, and M, of K.

Random

Random input-referred offset V., like its systematic counterpart,
results from asymmetry in the circuit, but with respect to process-
and temperature-induced mismatches of otherwise identical compo-
nents instead of circuit-based differences. The problem is mobility,
oxide thicknesses, doping concentrations, threshold voltages, and
other process-dependent parameters not only differ from lot to lot
and die to die but also from transistor to transistor across a single die.
The fact is temperature and diffusion gradients and dissimilar silicon-
profile conditions across the die cause transistor parameters to differ.
These mismatches may be relatively smaller when constrained to smaller
areas but their effects are nonetheless apparent in high-precision
regulators, where only a 6-12 mV of input-referred offset produces a
0.5-1% degradation in regulator accuracy.

The first approach in battling V. is to reduce physical offset, in
other words, to improve the matching performance of critical devices
in the circuit. In determining which devices are critical, viewing a
current offset Al between two supposedly matched transistors as the
result of an equivalent input-referred offset voltage v* at one of the
bases or gates (i.e., v" is Al/g ) helps. As in noise analysis, translating
the effects of all offset voltages forward to the output (e.g., to v, ori.,)
and referring the combined result back to the input yields random

215
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Ficure 6.26  Error amplifier A_’s random-mismatch small-signal equivalent
circuit.

offset voltage V., the input-referred offset effects of all random mis-
matches. These random variations appear between every matched pair
of transistors in the circuit, as shown in Fig. 6.26, and are small enough
in magnitude to constitute small-signal (ac) perturbations. As a refer-
ence, statistically meaningful [i.e., three-sigma (30)] values for v* in
well matched BJTs and MOSFETs are typically 1-3 mV and 5-15 mV,
respectively, which means BJTs tend to match better than MOSFETs.

From an ac-signal viewpoint, when considering offsets in the
error amplifier (i.e., A;,) shown in Fig. 6.26, input pair M, -M,,
mirror M, -M, ., and bias devices M, —M,, constitute common-source
amplifiers to their respective offsets so they produce similar effects
on the overall offset current that results (i.e., i ), which would other-
wise be zero in the case of perfectly matched devices. Since mirror
transistors M, —M, , source-degenerate cascode transistors M_.,-M_,,
an input-referred offset voltage in the cascodes has a lower (i.e,,
source degenerated) and often negligible impact on i , when com-
pared to the influence exerted by other transistors in the circuit. When
combined, because random uncorrelated offsets are probabilistic in
nature, their effects do not sum linearly but as the square-root sum of
the squares, which is why keeping i and its constituent terms squared
(e.g.,i2) is a popular practice:

%2 52
vc gHLC

2 252 #2 52 #2 52
los~vd gmAD+vmgmAM+vb gmAB+(1+g 7 )2
m.C'ds.M

~ 1*2 52 *#2 52 #2 52
- vd gmAD + Z)m gmM + Ub gm.B (621)
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Dividing i _ (or i2) by input-pair transconductance g, (or g2 ) refers

(i.e., translates) the resulting offset current to the input as Vs

i %252 *252 %252
\% — los :\/Ud gm.D+vm gm.M+vh gm.B
0s.
K gm.D g;an
& £
- o o2 B | oy B 622
gm.D ng
Generally, given their impact on V., input pairs M, -M,, load

mirrors M,,-M,,,, and in the case of folded architectures, biasing
transistors M, —-M,, in Figs. 6.24 and 6.25 must match well for V , to
remain low.

Because transistor transconductance ratios, as observed in V. 's
expression, transpose individual offsets back to the input, the second
approach to reducing V. is circuit based, by carefully designing
all g ’s (i.e., by choosing optimal bias currents and transistor aspect
ratios). For instance, increasing the differential pair’s transconduc-
tance (i.e., g, ;) and decreasing both the mirror and biasing transistors’
respective transconductances (i.e., decreasing g . and g ) mitigate
the detrimental effects offsets in the mirror and biasing transistors
have on V.. Unfortunately, there is no straightforward circuit-design
means of decreasing the impact of an offset in the input pair because
v} is already present at A ,’s input. The only way of reducing this
offset is through costly offset-calibration schemes such as dynamic-
element matching, chopper techniques, trimming, and others, which
add complexity, power losses, switching noise, test time, and/or
silicon real estate. This is not to say, however, designers do not employ
such offset-cancellation schemes, because they do, as in, for instance,
many analog-to-digital (A/D) converters, but energy-constrained
applications, unfortunately, leave little power margin for linear regu-
lators to adopt them. Alternatively, shifting the trimming point
from V. to regulator output v, (or equivalently, to feedback node v
trims (i.e., cancels) the combined effects of random variations in V.
and A_,. The problem with this latter approach is V. is no longer
trimmed on its own, that is to say, V. alone is less accurate, which
means the rest of the system must now conform by either sacrificing
accuracy performance or requiring more power and silicon area to

implement a separate (more accurate) reference.

FB)

6.3.4 Layout

Matching Hierarchy
Perhaps the most important layout notes for error amplifier A, relate
to random mismatches. As such, categorizing and grouping transistors

21
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with respect to their matching requirements is the first step in the
layout process. In this respect, the highest (i.e., first) matching degree
applies to “critical” devices, which should conform, if and when
possible, to the following seemingly extreme guidelines:

1. Place transistors close to one another to minimize the total
variation spread resulting from two-dimensional gradients
on the die.

2. Build transistor array as modular (i.e., square) as possible to
reduce the silicon area and minimize the parameter spreads
resulting from two-dimensional gradients on the die.

3. Orient transistors in the same direction to ensure fabrication
effects (from deposition, etc.) are consistent among matching
transistors.

4. Employ a common-centroid layout strategy (i.e., define a point
in the layout to be the common center of “mass” for matching
devices) to balance the effects of two-dimensional gradients.

5. Cross-couple equally sized transistors to cancel the effects of
two-dimensional gradients on the die.

6. Place small dummy transistors around the peripheral
transistors in the array at a distance that is equivalent to the
intra-transistor distance within the array to mitigate proximity-
mismatch effects.

7. Avoid placing metal routes (i.e., lines) immediately above
matching transistors to prevent packaged-induced stress
fields from creating localized and mismatched piezoelectric
effects. If routing above the transistors is unavoidable, match
the routing tracks so that all matched transistors experience
similar effects.

8. Place one or two uniform sheets of one or two top-level metals
immediately above the entire array to spread the effects of
packaged-induced localized stress fields equally.

Deciding which subset and when and how to apply the afore-
mentioned measures is subjective and dependent on the target
specifications demanded and the technology used to fabricate the
circuit. Nevertheless, the second highest matching degree usually
backs off from the extreme measures that often demand consider-
ably more silicon real estate, as in, for example, measures (4) to (8) in
the list above, while retaining “good” matching practices, like
maybe those specified in (1) to (3). The last (or third) matching
degree refers to “nominal” matching devices, in which case (1) may
be sufficient.

In contemplating the matching requirements of error amplifier
Ag,, input pair M, -M,,, load mirror M, ,-M,,,, and folding bias

D2’
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transistors M, —M,, in Figs. 6.24 and 6.25 must all match as well as
possible so “critical” matching considerations apply. Although the
matching performance of tail current source M to folding bias
transistors M, —M,, in Figs. 6.24b and 6.25b does not affect random
offset performance, random mismatches between M, and bias pair
M, ~M,, produce absolute variations in quiescent current, unity-
gain frequency, slew-rate current, and others, which ultimately
increase performance spreads and decrease die yield. (Die yield
refers to the fraction of dies in a wafer that meet target specifica-
tions, which translates to revenue per wafer.) M, should therefore
match bias pair M, -M,, but not to the same degree critically
matched transistors do, so “good” matching practices normally suf-
fice. The matching performance of cascode devices M_—M_, may
exert little influence on random and systematic offsets and other
circuit-performance parameters, but completely neglecting them
may increase their impact to noticeable levels, so applying “nominal”
matching practices is often prudent.

Notes

Other important layout notes relate to bandwidth and noise, and to a
lesser extent, power and thermal effects. To start, introducing para-
sitic capacitance to A,,’s output, because of its high output resistance,
slows the circuit so all transistors connected to v,, should be as close
as possible, which means A, and A, . should be close or integrated
into one layout. Similarly, and to avoid noise injection from the sub-
strate and other electrical lines in the system, A,,’s inputs should be
as close as possible to their respective bond pads. In fact, the sense
path from regulator output v, which ideally sits at the point of load
(PoL), to A,,’s input should be as short as possible and surrounded
by low-impedance tracks to shunt and steer incoming noise away
from A,.

Series voltage drops in the supplies introduce systematic offset
voltages in supposedly matched transistors so power-supply buses
of maybe 5-8 pm in width should surround A_,. In traditional opera-
tional amplifier designs, displacing differential pairs from power out-
put devices is normally a good engineering practice to mitigate the
impact of the thermal gradients “hot spots” in the die induce. How-
ever, the pass transistor in a linear regulator normally constitutes
about 70% of the layout, which means displacing the differential pair
is not practical, especially considering modern plastic packages have
low thermal impedances so the temperature gradients they induce
are substantially low.

Design Example 6.3 Refer to the specifications and process parameters outlined
in Table 6.4 to design a 6-pA error amplifier for the dynamically adaptive
positive-feedback buffer and PMOS power transistor designed in Examples 6.1
and 6.2. The complete internally compensated low-dropout (LDO) regulator
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Circuit PMOS Process

Parameter | Specification Parameter Value

V,, 1.1-1.6V IVl and V, 0.6V £ 150 mV
v, 1V Vo nar 0V 150 mV
Voer 09V K, 40 pA/V? £ 20%
A, ~ 40 dB K, 100 pA/V? £ 20%
I, <6 pA L >0.35 pm
Vopman V,-0.3V c’, 15 fF/pm?
Veamin 0.2V Byminy 500 mVv-

foue 1 MHz Mssimin) 10 mv-t

Vos o <25 mV Bopn 50-150 A/A
Voss <10 mV V,onp 15V

TaBLe 6.4 Target Specifications and Process-Parameter Values for the
Error Amplifier in Example 6.3

should generate a 1-V output with a unity-gain frequency of 1 MHz from a 0.9-V
reference and a 0.9-1.6-V NiMH battery, the practical operating range of which
is 1.1-1.6 V. The output of the amplifier should swing from 0.2 V to within 0.3 V
of V, and incur no more than 25 mV of random uncorrelated input-referred
offset and 10 mV of systematic offset.

Architecture notes

1. Input differential pair:

a. Since V. is 0.9 V, use natural NMOSFETs to relax the requirements
imposed on the tail current-sink device.

b. Since V. \ xruin S —0-15 V, connect bulk and ground terminals together to

allow bulk effects to increase V. . to a positive value under worst-case
conditions so that the source-coupled node remains below V.. and the

differential pair remains saturated (i.e., out of triode).

2. Load
a. Since the power device is a PMOSFET, use a supply-referenced load
mirror to apply a common-mode supply ripple to the PMOSFET’s
gate for higher PSR.
b. Since V.. is 1.1V, use a folding mirror load, as shown in Fig. 6.27.
c. Use a diode-connected PMOS transistor (i.e., M) to bias the cascodes

in the folding mirror.

3. Regulator output (given V. is 0.9 V and V should be 1 V):

a. Use resistor divider R, -R,, to set closed-loop gain v, IV

Yo — Repy + Reg, = @ -1.11
Vier Reg, (0.9)
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2 :
C v
M U Opy 0py ¢
g Regi
V)
EA <
Rep .
N2 |—2 My, £
Pl Ip &
pI] Crs

Ficure 6.27 Error amplifier design for Example 6.3 and accompanying
buffer and power PMOS transistor from Examples 6.1 and 6.2.

b. Set resistor bias current to 3 pA to ensure resistor string sinks M, ,'s
subthreshold current during worst-case conditions and extreme process
and temperature corners:

== =3uA
K RFB1+RFB2

R,,, =300 kQ and R,, =33.3 kQ
4. Frequency compensation:
Set dominant pole at v, with Miller capacitor C,, (across A . and M

5. Negative feedback:
Since M,,, presents an inverting gain stage, connect sensing feedback signal
v, to A, ’s noninverting input (i.e., gate of M

FO) :

Ul)'
Transistor design

6. Low random offset:

a. Use large differential pair and large mirror load (i.e., long channel
lengths: 10L )

Ly =Ly=L,=L,=10L,

min = 3-5 1M and match critically well.

b. Match biasing current sinks M, —M,, well but design them to produce a
small small-signal gain in A, (i.e., have them present low r, 's) to
ensure the loop’s unity-gain frequency f . drops to 0 dB before
encountering the parasitic poles of the regulator (for stability). In other
words, match M, -M,, well but use short channel lengths to induce
higher channel-length modulation effects:

LBl = LBZ = L(

(min)

,=0.35 ym and match critically well.

7. Open-loop gain A ,:

I .
s (3], s (D)
D1 D1
A i =

eaDC = &mp1lasp2 = T
B2ML(min)

tl)
or L D1 _ AEA.DC"’L(min) _ (100)(0.1) _

Iy, JKe oo

1000
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so choosing I,

W) (1000212 (mj :(
( L )m 2w 05 o Lo

8.V

EA(max)*

a.V

EA(max)

Vi

V.

b. V.,

SD.M2(sat)

c.V,

SD. M2(sat) SD.C2(sat) =

SD.C2(sat) — (W = ) W
KP T KP(min) T
c2 c2

IC Design

as2pAand I, as 1 pA yields

>V, -0.3V

\%

SD.M2

V.

N~ SD.C2(sat) =

=V <0.15V

2Ly, [ 20,,+1,,)

wYy | (w
\IK” ( L jMz \jK”(m‘m( L jMz

o 2y Hly)  _ 2(p+lp)
M2 V3 K (0.15)%(32 u)

’
SD.M2(sat)” " P(min)

<0.15V

(W] 21um
=|— =6=
o 3.5u

3

21

21
f2 <0.15V

c2 <’

or (ﬂ) o2y 2w
c2

d. Choose V.

SD.

or Vs

- VSZD.CZ(sat) S (0.152(32p)

K

’
P(min)

(mj =[ﬂ) _5_105um
Cl_ CZ_ -

L 0.35um

v as0.15'V:
V.-V

IN sD.M2

cos = Vel +

=V

SD.M2+ |VTP| +

5.55
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or choosing I, as 0.5 pA:

K
(e
L)cg 3um
9. VEA(min):
21,
VEA(min) = VDS.B2(sat) < —W <0.2V
Ko o]
N(min) L 5
21
or (ﬂ) >~ __ 20w _—062 .. (ﬂj __2um
L g KN(min)VEA(min) (80u)(0.2) L)gp 0.35um
10. f,, (Which is roughly equal to gain-bandwidth product GBW):
Using power PMOS gain A, and A_,’s output resistance R;,, which is
roughly r, .
Ap AgupA
2nf ~GBW=A_.A. _A (an )= EA“ BUF“'PO
0dB eafpurrotren) T C (A A IR,
- (8wp1Rea)ApurAro _8mp1 _ 21(1 MHz)
CunlApyp Apo )Rea Cu
(W 1.75
\/ZImKN (Tj \/2(1 w)(100 p_)(—j
or _ 8w _ DL _ 35/ _ 1,59 pF
M 2mfy g 2o 45 2n(1MHz) ’
C,=1.6pF

Design checks
11. 1y

Ly=ly+ L+ 1= 2 pA) + (2pA) + (0.5 nA) =45 pA,

which with a 30% variation, is 5.85 pA.
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12. Vi miny (assuming minimum voltage across I, is 0.2 V):
‘/IN(mm) =MAX VSG.Ml(max) + VDS.Bl(sat) = |VTP(max)| +VSD.M1(sat.max) + VDS.B](sat.max)
SG.CB(max) T VIBP = |VTP(max) | +VSD.CB(sat.max) +0.2V
21 21
|VT]’(max) | + ‘ MI}\/ + ' B]W
K, = K., . | —
\/ P(mln)( L ) \/ N(mm)( L )
M1 B1
=~MAX
|VTP(max)| +
0.75)+ |_2C “;1 T “)2 ~0.96V
32 )| =— 80 )| —=—
\j( u)(3.5) \j( “)(0.35)
=MAX =1.26
(0.75)+ LSL;) +0.2V=126V
(32 ) g)

Although combining 3s K, . K’y . -and V., values linearly is

min), -~ N(min

probabilistically unreasonable, applying V. alone still violates the

TP(max)
Vinminy SPecification:

21
— ZBP__ 40.2V=(0.75)+
x|V

PAL s

2(0.5 )

1y t0-2V=122V
(40w g)

V

IN(min) V.

TP(max) | +

Reduce M,'s V. by 150 mV (i.e., decrease V. to roughly 1.05 V) by

(1) decreasing M.,-M,'s V¢, ., by 75 mV, (2) decreasing M,,,-M, ,’s Vi, . by
50 mV, and (3) pushing M,, -M, , slightly into triode by 25 mV (since cascode
pair M-M_, decreases the impact of mirror pair M, ,-M, 'srds’son A;,’s
small-signal gain). Also reduce M,,,-M,,’s L to 5L, to keep overall

dimensions (i.e., silicon area) from growing excessively.

(ﬂ) =(ﬂ) > 215, _ 2(1p) -1 or 3.85um
L)oy \L)op V2 K (0.075)>(32 ) 0.35um

’
SD.C2(sat)” " P(min)

(ﬂ) E(W) o 2l +1y) _2(1u+1u):12.5 o 22 um
M2

- VSZD.MZ(sat)KI,J(min) (0.1)%(32 W 1.75 um
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13. VOG_S:
Vo = Voss = Vosm - Vea =(Vin=Vsc 1)
08¢ Aga Apa
VEA(max) B (VIN - VSG.Ml)
AEA VOS.S(max)
VEA(min) B (VIN - VSG.Ml) VOS.S(min)
Apa
VEA(max) - VIN_ |VTP(max)| -
where Vg5 <
0S.5(max) Ay
(Vi =0.3)=| Vi, —(0.75)~
= =4.6 mV
(100) m
21
VEA(min) - VIN(max)_ |VTP(min) | - —Mll/v
KP(max) (TJM
1
and Vos.smin <
0S.5(min) A,

(0.2)—|(1.6)—(0.75)—

- (100)

-57mV =V, =46mV.
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14. Vs effect on LDR:

_[AVe ) Yo
EDRoss _( Agy )[VREF

— (VIN_VSG.PO(min) VGS N'BUF(mm)) IN VSG.PO(maX)+VGS.N'BUF(max)):|( Vo J
L AEA VRer
— (VGS.NBUF(min) VSG PO(mm)) ( GS.NBUF(max) VSGAPO(max)) [ VO ]
L Apy Vrer
_ IZINBUF(min) B / 215 iy 3 IZINBUHmax) + / 215 ma) [ 1 j[ Vo ]
(o L L,
L ML Jnpur PAL Jeo ML Jnsur PAL Jeo
_ [ 205w | 2(0) [ 2046
12 18.3k
100 )| — 40
\/( u)(0.35) \/( ”)( 0.35) \/( ”)(o 35]

S ien o i

100) )| (0.9
\jm )(1831() (100) )\ (0.9)

1 )
=[(17 m)-(0)- (164m)+(219m)][(100):|[(0 9)} 0.8mV

15. Vg

Assuming transistors laid out to match well (as critical devices) have an
equivalent 3¢ input-referred mismatch offset v* of 5 mV:

# * gmM # giz.B
Vosg =. |05 +0:2 +u,2| =k
OSR \/ a [gizD] b [gﬁlD]
1K, (

w

L
, w
wilg), | [nlF),

|=|=]=
=

— #2 #2
= 10y +'Um

2 )0 u)(%)
=(5m) |1+ 1' =
(Ip)(roo M)(ﬁj
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which exceeds the specification by +4 mV. Had it not been for the increase in
(W/L),,, and (W/L),, to accommodate V., V.. , would have been roughly
24 mV. In any case, decreasing V., amounts to increasing g, ., (which increases
both A, and f, ,,and compromises stability, in light of A s finite BW and M,,’s
output pole p,) or decreasing g, ,, (which increases V. ).
Choose to risk some yield loss (in meeting the V/

N (miny SPECification) and /
. .. ,
or tighten (i.e., improve) V..’s accuracy to accommodate a larger V..

General design note: Alow V. design usually trades off gain for stability

because compensating for the gain lost as a result of a low-V . -architecture
amounts to increasing the number of gain stages in the circuit, which translates to
more ac nodes and consequently more poles. Additionally, as the forgoing example

shows, alow V. alsoincreases V. Similarly, low-1, operation sacrifices speed

because a higher f,; requires a faster (more power-hungry) buffer. Unfortunately,
ensuring the circuit maintains performance across process and temperature corners
only exacerbates the effects of these tradeoffs, forcing the designer to balance linear
and probabilistic worst-case approaches to assess and accept reasonable risk. In
the end, optimal designs, as with most operational amplifiers and analog and
mixed-signal ICs, target reasonable and practical specifications and focus on key
application-specific performance parameters to avoid the unnecessary sacrifices
over-designed circuits dispel while still realizing the value-added features that
engage and attract prospective consumers to the market place.

6.4 Summary

Although not always the case, the design cycle of a linear regulator
usually starts at the output and ends with the input, with the error
amplifier. The load, for instance, determines the type of power tran-
sistor needed, the power device defines the parametric limits of the
buffer driving it, and the buffer defines those of the preceding input
stage. As a whole, taking into account their interdependencies, the
entire chain must cater to the increasingly stringent efficiency and
accuracy demands of existing and emerging state-of-the-art portable
and stationary applications, such as surviving low input supply volt-
ages and requiring low quiescent currents, high loop gains, high
bandwidths, low offsets, and other equally important features.
Power PMOS transistors are efficient (and better able to extend
battery life) because not only do they accommodate lower input sup-
plies (with lower dropout voltages) but they also demand less current
to drive (i.e., gate current is 0 A). N-type devices, on the other hand, are
normally more accurate because they respond quicker to transient
load-current transitions (i.e., followers yield higher bandwidths), and
BJTs, to be more specific, source higher currents and survive higher
voltages. Low dropout (LDO) regulators, as a result, frequently use
PFETs to conduct and condition power to the load, except applications
demanding high accuracy often call for n-type power transistors, just
as high-power requirements tend to demand BJTs. Irrespective of the
power device used, its physical implementation must ultimately
account for the debilitating influence its parasitic components inflict on
the circuit. Parasitic vertical and lateral pnp BJTs, for example, and
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their constituent diodes not only induce ground current but also com-
promise the integrity (e.g., proneness to latch-up) and performance
(e.g., efficiency) of the IC.

Since power devices are large, they present unique and stringent
dc and ac driving requirements. A driving buffer must not only sur-
vive low input supplies and use low quiescent currents (as prescribed
by the application) but also comply with the wide voltage swings and
high-current demands attached to large power transistors. To this
end, with respect to the buffer, emitter- and source-follower transis-
tors are compact, fast, and efficient because they generate moderately
low output impedances with relatively low currents. Dynamically
adjusting their bias points, though, by incorporating localized-feedback
loops can decrease the buffer’s demand for power during light load-
ing conditions, when the toll of quiescent current on efficiency is
greatest. While negative feedback is popular in this regard, positive
feedback cannot only boost the gain but also accelerate the response
of the buffer, albeit the stability risk it poses to the system. (Note the
loop gain of the positive-feedback loop must remain sufficiently
below one across the entire spectrum, especially near the regulator’s
unity-gain frequency, to guarantee stable operating conditions.)

Ultimately, several key specifications converge on the error ampli-
fier, from dc accuracy and forward open-loop gain (which translate to
regulation performance) to gain-phase response across frequency
and power-supply rejection (PSR). From a design perspective, n-type
input differential stages normally favor signal-to-noise ratio (SNR)
because their biasing reference voltages are higher, for which injected
systematic switching noise constitutes a lower fraction of the refer-
ence. While folding loads generally ease headroom requirements (i.e.,
decrease V. ), supply-referenced load mirrorsincrease (i.e.,improve)
the PSR of p-type power devices and ground-referenced mirrors that
of their n-type counterparts. Since input-referred random offsets
depend almost entirely on the transistors in the differential pair and
those nearest to the supplies in the first stage (i.e., load mirror and
nondegenerated biasing transistors), matching their respective layouts
is critical for accuracy performance.

Design is, by nature, the “art of tradeoff” because improving one
parameter normally degrades another. Increasing power efficiency
by reducing the input supply, for example, not only constrains the
circuit to p-type power transistors (for lower dropout) but also
increases input-referred offsets and compromises stability. The fact is
lower input supplies reduce the margin with which to design the
transconductor ratios of critically matched transistors and require
folding loads (and extra stages) that necessarily introduce more poles
to the feedback system (by way of additional ac nodes). Reducing
quiescent currents also costs the system performance in the form of
lower speed, higher input-referred offsets (through transconductor
ratios), and lower ac accuracy. Worst-case operating conditions and
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extreme process and temperature corners further correlate parame-
ters in a way that iteration in the design process is almost impossible
to avoid. Managing and assessing the effects of these probabilistic
variations on the circuit is an intrinsic part of IC design, without
which product development and practical solutions could not viably
succeed.

In many ways, the IC design practices and tradeoffs discussed in
this chapter embody and fulfill the design objectives of this textbook
because they employ the device, circuit, and feedback tools devel-
oped in Chaps. 2 through 4 to address and achieve the system and ac
design targets discussed in Chaps. 1 and 5. While the text may not
cover the entire expanding field of analog microelectronics, the design
considerations presented exemplify and describe, to an extent, the
core of analog IC design, from device physics, circuit techniques, and
positive- and negative-feedback theory to system integration and
design approach. The components discussed to this point, however,
do not yet constitute a complete linear regulator solution, not with-
out considering (a) the system in light of the circuits that comprise it,
(b) possible performance-specific enhancers, (c) protection against
extreme operating conditions, and (d) characterization, which the
follow-up chapters address.
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Source: Analog IC Design with Low-Dropout Regulators

CHAPTER 7
System Design

struction of the linear regulator system when targeted for a par-

ticular application. To this end, the chapter first combines the
transistor-level circuit solutions presented in Chap. 6 to achieve the
regulator-specific ac objectives outlined in Chaps. 4 and 5. The chapter
then explores how to integrate self-referencing features into the regu-
lator circuit to forego the power and silicon real estate associated with
stand-alone voltage references. Some applications may even call for
current regulators so the text also reviews and describes circuit strate-
gies for the same. The chapter ends by surveying a series of circuit
techniques aimed at optimizing specific performance parameters such
as dropout (for low power), accuracy, and power-supply rejection.

I I The purpose of this chapter is to discuss the assembly and con-

External Compensation

The number and diversity of features consumers enjoy, demand, and
in some cases expect from portable, battery-powered devices often
outpace technology- and design-driven reductions in energy and
power. In other words, with respect to linear regulators targeted for
the higher power portable market space, the sum of smaller but con-
siderably many more feature-specific currents remains relatively high
at several tens and even hundreds of milliamps. As a result, because
many of these features engage and disengage simultaneously at rates
faster than their driving supply can respond (because the supply has
little to no quiescent current of its own), high output capacitance C,
at regulator output v,, is necessary and external compensation is not
only merely justifiable but often also a necessity.

Combining low quiescent-current and low input-voltage require-
ments, which portable devices demand for high efficiency and extended
battery-life operation, with high output capacitance for faster large-
signal response typically prompt designers to build externally com-
pensated PMOS regulator solutions, as exemplified by the low-dropout
(LDO) circuit shown in Fig. 7.1a. The design features an npn differen-
tial pair Q,-Q,p,, loaded with a supply-referenced p-type MOS mir-
ror M, ,-M,,,,, an n-type MOS buffer follower M and power

PM2/ NBUF
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Ficure 7.1 Externally compensated low-dropout BiCMOS regulator (a) circuit
and (b) corresponding gain-phase response across frequency.

PMOS M,,,. N-type follower M, reduces dc voltage differences in

the mirror (i.e., in V., and V_ . ) and the systematic offsets they

produce at the input by matching (to first order) the combined effects
of M,,’s source-gate voltage V. and M, ,.'s gate-source voltage

SG.PO NBUF
7 7 :
Vesnsur 10 Mpyy's Voo and M, /s V. The purpose of capacitor

GS.NM3*
C,; is to feed forward ac signals present at v, to sense feedback node

v, and, in doing so, introduce a feed-forward left-half-plane zero
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(i-e., z,) to help save phase near the unity-gain frequency of the sys-
tem (for stability). The input pair transistors are bipolar-junction
transistors (BJTs) because they generally match better than metal-
oxide-semiconductor (MOS) field-effect transistors (FETs) and conse-
quently produce lower input-referred offsets.

7.1.1 Compensation

The general strategy for compensating an externally compensated
LDO regulator is to place output pole p,, at sufficiently low frequencies
to dominate over all other poles and zeros in the circuit, as illustrated
in Fig. 7.1b, and keep unity-gain frequency f, . well below the parasitic-
pole region. In practice, when other poles and zeros remain at higher
frequencies across process, temperature, and operating conditions,
loop gain drops linearly with frequency past p,, in a single-pole roll-off
manner, roughly setting f .’s minimum point when low-frequency
loop gain LG, reaches 0 dB after traversing a gain-bandwidth product
GBW (i.e.,, LG, p,) expanse of frequency:

LG, _ LGy, .
1421 (2_] 7.1)
po po fodBminy=LGLrPo=GBW

Note f,,5min 1S Often a specification target.

Building gain in error amplifier A, , requires a high-resistance
node so the pole associated with that node (i.e., p,,) is normally the
second dominant pole in the circuit. Although the equivalent series
resistance (ESR) of output capacitor C, introduces what could be a
phase-saving zero z,, to the response near p.,, R, and consequently
Z,e S location vary substantially across process and temperature:

1 1
_— <7y S———————— 7.2
2nRESR(max)CO ESR 27tRESR(mm)Co (7.2)
As aresult, placing p,, well below f, .. . -and expecting z, to cancel

Pga’s effects is risky, but restraining f, . . below z. .. in all cases,
on the other hand, is unfavorably pessimistic. The aim is to therefore
place second dominant pole p;, near f,, . well below fy .. :

1
+C

Pea +C +C

DB.MP2 u.ND2

= deB(min) (7.3)

21(13 aapa | 7802 (Cog o DB.MNBUF)
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To keep p,, near f, ;... the resistance at v, must be moderately low

so the channel lengths of mirror devices M,,,, and M, , are relatively

short (to allow channel-length modulation A to decrease M, ,’s small-

signal output resistance r, ;). Note z.g, . - extends f, . . by how
far z;qp iy PrEcedes pp,:
~ Pea
deB(max) - deB(min) [Z (74)
ESR(min)

As frequencies increase, the next pole to appear is buffer pole p, .,
and since p, and p,, already shift considerable phase in the absence
of Z;o, Py Must remain well above £, ., but not necessarily higher
than f, Bmax)” In fact, since z,, is the reason f ,; shifts to f, B(max) in the
first place, z,; offsets the effects of p, and adds margin for p,, to
reside near fy ;.

max)”

81.NBUF
Pur 21Cy. g deB(max)

(7.5)
After Peup there is no margin left for the remaining parasitic poles in
the system, which include feedback sense pole p,,, bypass pole p,,
and mirror pole p,, so they must remain well above fy ;...

Unfortunately, keeping parasitic poles at high frequencies demands
power in the form of additional quiescent current, which is why shift-
ing them just high enough beyond f, ..., for stability conditions to
remain true is the general design approach. Although the effect of each
pole a decade past f, ;. .. on phase margin is minimal, their relatively
small but compounded contributions may still have an avalanching
effect on phase response near f . Regrettably, a rapidly decreasing
phase near f . implies the circuit’s proneness to unstable conditions is
more sensitive to process and temperature variations because relatively
small shifts in pole and zero locations amount to larger changes in
phase, which means the circuit is conditionally stable and may oscillate
during start-up and/or in response to quick load dumps.

Fortunately, nearby left-half-plane zeros dampen the avalanching
effects the remaining poles have on phase response by recovering
some of the phase lost. The general design tactic is to keep parasitic
poles barely a decade above f0 i) and introduce, when possible, just
as many left-half-plane zeros to offset them. Feed-forward capacitor
C.; presents such a phase saving zero (at z.;) by shorting feedback
resistor R, past1/2nR ., C

FB1 ~FF*

1
SCrp

[l
o]

FB1 (7.6)

1
- 5
ZFF 27Rep Crr fodB(max)

Introducing a zero below f; ¢ in the presence of z., however,
‘max) . R ESR
extends fy .., closer to the parasitic-pole region, where the now
ax)
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closer parasitic poles have a more pronounced impact on phase mar-
gin. So, to prevent process and temperature variations from pulling
Zpy DElOW fy 150 Zere 1S Placed, by design, slightly above f, 5 ....-

Now that z_, adds some margin to the system, parasitic bypass
and feedback poles p, and p,, can now comfortably reside barely a
decade above f, . . Recall from Chap. 5 that the shunting effect of
C,on R, produces p,:

ESR

1
pB ZTCRESRCB(maX) deB(max) (77)

so keeping p, at 10f,,; ., bounds bypass capacitance below Cy__,
which in many cases is not a problem because C, only comprises par-
asitic on-chip and printed-circuit-board (PCB) trace capacitance. Sim-
ilarly, the capacitance present at feedback sense signal v, confines

R, and R.,,’s combined parallel resistance because the capacitance

should not short R, || R, below 10f, dB(ma)’
1 |
S(Cynp2 T Crnpz + Cre) 1 of
Prg 21(Repy | Rep2 )(Cy np2+Crnp2+ Crr) 0dB(max)
=Ry l Reg, (7.8)
where Q,;,,’s multiplying Miller effect on C ,,, is negligible because the

parasitic capacitance present at Q, .,’s collector (i.e., v,,) already shorted
the resistance at v, and the gain across Q, ,, is consequently low at these
frequencies. Unlike p,, though, which often stays at high frequencies
without much effort, p,, tends to creep into lower frequencies because
feedback resistances R, and R, are usually high to keep the quiescent
current flowing through them relatively low at less than 1-2 pA.

Load mirror M,,,-M,,,, generally introduces a closely spaced
pole-zero pair so its collective impact on phase is not as pronounced.
Level-shifting follower M, . and mirroring transistor M, establish
anegative-feedback loop that must be, by itself, stable. This inner loop
has two poles: p,,, and p, . at M ,.’s gate and source terminals, respec-
tively. Pole p,, must be sufficiently high to ensure the open-loop unity-
gain frequency of the inner loop (i.e., f,;,), which is the loop’s
gain-bandwidth product (i.e., A, p,,) and the equivalent closed-loop
bandwidth of the mirror (i.e., p,), is slightly above f, ..,

‘max)*

w1 Tas.omi Il %o.np1)

= = A =
Put =foan. viePu 27(r46 paan 1 7% np1)Co s

__Smpm1 Sm.pM1
2nConms  2Copams + Cos.evi + Cog.pmt + Cunpi)

=5 0dB(max)

(7.9)
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where p,, is the negative-feedback translation of p,,, (i.e., negative
feedback shifts bandwidth-limiting p, , to f, . ,) and C is the total
parasitic capacitance present at the gate of M, ..

To ensure the mirror loop is stable, M, ,’s gate pole p,,, must be
dominant and p,,, must reside near closed-loop bandwidth f ., (i.e.,
close top,):

G.NM3

8mNM3
+C +C

SG.PM2 DG.PM2 SG.NM3

) = deB.M

Pms = onCc 4 C

SG.PM1

=Pu= 5deB(max) (710)
where M,,,’s Miller-multiplying effect on C ,, is negligible because, like
before, p,, already shorted the resistance at v, to ac ground, forcibly
reducing the common-source gain across M, at these higher frequencies.
Collectively, the loop introduces the feedback translation of p,,, as mirror
pole p,, to the system and, when ac signals from input device Q,,, over-
whelm those sourced by load mirror M,,,,, the mirror introduces mirror
zero z,, at roughly 2p,, which as before, helps reduce the avalanching
effects this and other poles in the vicinity have on phase response.

In-phase feed-forward capacitor C ,; in n-type voltage follow-
ing buffer M, por also introduces a left-half-plane zero (i.e., z
except its location is normally high because M

NBUF)’

wsur and consequently

Csnpur are relatively small:
. _ vgs.NBUF —7 -
leNBUE = ( 1 J =l NBUF = Ugs.NBUES 11.NBUF
SCas NBUF e SHNBUE 5 ¢
NBUF™2mCee pop - CBmax)
(7.11)
Similarly, out-of-phase feed-forward capacitor C_,,, in power

PMOS M, also introduces a zero (i.e., z,,), but this time on the right
half of the s plane, which means z,, adds gain but subtracts phase
(like a pole) so it must remain at or above 10f,,...,- Fortunately, z,,
tends to naturally reside at high frequencies because M, ’s large
transconductance (given M, is a large power device carrying high

current) offsets the polarity-reversing current contribution of C_, .

_ Ygs.po ~ Udspo |

legp = 1
[SCGD,PO]

=i (7.12)

gm.PO — Ugs POSm.PO

UgsAPO |

)
$Cepro

Zpo

8m.PO
7Cap.ro

Zpo= 210 f 4B (max)
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Differential input-pair transistor Q,,,'s Miller capacitor C,
feeds forward out-of-phase ac signals across Q, ,, and therefore intro-
duces right-half-plane zero z,,. Like z,, , z,,,, must remain at or above
10fpmaxy Ut like z, 0 2, naturally gravitates to high frequencies
because Q,,, and its C, np; are relatively small (and Q,,’s transcon-
ductance g ., is relatively high because Q,,,’s collector current var-

ies exponentially with respect to base-emitter voltage):

D also

_ Ybenp2 ~ vce.ND2| — _benm2 |
cu 1 1
sC,y np2 sC, N2
ZND2 2]

=lynND2 = YbeND28 m.ND2

i

~_8mND2_ 510
ND2 zncp.N'DZ_ deB(max)

(7.13)

Internal Compensation

The need for higher power levels and quicker response times are as
imminent as the demand for higher integration, which is where
internal compensation schemes thrive. The fact is packing more fea-
tures into a single IC introduces uncorrelated noise into the supply,
reducing, as a result, the signal-to-noise-ratio (SNR) performance of
sensitive analog electronics attached to that supply. Dedicated on-
chip regulators help in this respect because they decouple the other-
wise common noise from sensitive loads. Having no external pad or
pin to rely on, though, the challenge in designing these point-of-
load (PoL) regulators is the unavailability of off-chip capacitors.
Fortunately, the lower power levels these targeted loads demand
(and their smaller large-signal changes in load) offset some of the
expense (i.e., silicon real estate) associated with on-chip capacitors,
as lower capacitances may now satisfy the relatively modest needs
of a lighter load.

Low-dropout performance in dedicated on-chip supplies, as it
turns out, is not always a requirement because the power dissi-
pated by the rest of the system, on average, often overwhelms that
of the particular load in question. If other considerations allow,
using this argument to ease dropout requirements is important
because higher dropout n-type power devices outperform their
lower dropout p-type counterparts in speed and consequently in
on-chip capacitance silicon-area requirements. Headroom, by the
way, may sometimes constrain dropout voltages to low values, like
when one switching regulator supplies the entire IC and its output
is already low to mitigate the losses associated with the high-power
sectors of the system.
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7.2.1 High-Dropout Regulator

Considering low quiescent current is always an overriding concern, the
high-dropout (HDO) regulator illustrated in Fig. 7.2a employs an NMOS
power device (i.e., M, ) because the gate draws no dc current. The
design also features an n-type differential MOS pair M, ,,-M,,, folded

ND1 ND2
with cascode pair M,,.,-M,., into ground-referenced mirror M, -M,, -

Compensation capacitor C. helps pull dominant error—amplr\i%ar pole
Pga to lower frequencies by shunting small ac signals to ground and C..
and M, 's diode-connected 1/g, ., resistor introduce left-half-plane zero
z. to offset the impact of output pole p,. Using M, to introduce a zero is
more compelling than placing an additional in-phase feed-forward
capacitor C, across R, because (1) C,, requires additional silicon area
and (2) 1/g, s tracks the 1/g | resistance in output pole p, better
with respect to process and temperature. Capacitor C. is directed to
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Ficure 7.2 Internally compensated high-dropout (HDO) CMOS regulator
(a) circuit and (b) corresponding gain-phase response across frequency.
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ground (instead of input supply v, ) to avoid coupling input-supply
ripple v, to v, via M, ,, which is in a follower configuration. Output
capacitor C,, (even if only at the picofarad range) helps source and sink
high-frequency load current past the reach of M, 's bandwidth (and the
bandwidth of the outer loop that supports it).

Compensation

The general compensation strategy in an internally compensated
regulator is to (1) set a dominant low-frequency pole, (2) place the
second dominant pole within a decade of unity-gain frequency f .,
(3) add a left-half-plane zero at or slightly above the second pole to
offset the effects of the second pole, and (4) push all parasitic poles within
a decade above f,, keeping natural left-half-plane zeros in the vicin-
ity to prevent the phase response from avalanching. Error-amplifier
pole p,, is typically dominant over all other poles and zeros, as shown
in Fig. 7.2b, because the resistance of the gain-setting node is inher-
ently high and all other nodes, including the output, have relatively
lower resistances at roughly 1/g, . Like in the LDO case, but now with
P loOp gain drops from its low-frequency point of LG, to 0 dB at

gain-bandwidth product LG, p., or g . /27(C. + Cp . 0):
LGLF ~ LGLF - 8m.ND ds.NM2 | =1 (714)
1+ E % Tz (Ce + Cpano)s |f0d3:8m.—m
Pen Pin 21(Ce+Cpa.no)

where f . is often a specification target.

Output capacitance C,, is intentionally as high as silicon or PCB real
estate allows because C, momentarily supplies all the load current
power transistor M, is not fast enough to provide, which means the
pole C, produces tends to dominate over all remaining parasitic poles in
the circuit. As a result, C, together with M, 's C  , produce the effects

of output pole p, when they shunt M, s output resistance 1/g, .

1 1

— (7.15)
$(Co +Casno) 8mNO JJae 8mno

PO~ 21 Corman HCasno) 10
where C_,, helps shunt 1/g  to ground through the already
shorted capacitive impedance atv,, (because p,, shorts v_ to ac ground
at lower frequencies). The left-half-plane zero C -M,, introduce (i.e., z.),
which appears when C_’s impedance is equal to or smaller than M, ,,’s
1/g, s resistance and the total impedance through the series C -M_,
network reduces to 1/g, ,,, is meant to cancel the effects of p,,, allow-
ing p,, (and requiring z_) to precede f, . slightly:

1 __1
sCe B

(7.16)

8m.NB1 8m.NB1
) .
€ 2nC. 10
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Matching and correlating p, and z_ across process, and worse of
all, load is difficult because p,, through M, J’s g, ., depends on out-
put current I . A two-decade variation in I, such as 10 pA to 1 mA,
just to cite an example, produces a one-decade shift in g ., and p,,
(because g, increases with the square root of I ), considering mis-
matches in C. and C,, + C, exacerbate differences in z. and p. As
a result, in case p,, precedes z_ by almost one decade, stability con-
cerns constrain p, (and C,) to remain roughly within a decade of f,
(i-e., Pomin) Must be greater than 0.1f, ). Although not immediately
obvious, fully dipping the phase to 180° below f, ., (before z_recovers
it), even if only briefly, increases the likelihood f,,, crosses the 180°
phase-shift frequency during start-up conditions, while poles, zeros,
and f,, transition to their final locations.

Past p.,, p, and z, there is slightly less than 90° of phase margin
left so, to keep f,, as high as possible without losing considerable
quiescent current, parasitic poles may reside only within one decade
above f . if left-half-plane zeros hover nearby to prevent the phase
response from avalanching. One of the first parasitic poles to appear
after p,, is the one at feedback signal v, because the resistance there
(R, || Ryg,) is often moderately high (and low resistances would oth-
erwise induce higher quiescent current through R, and R, ) and the
capacitance present is moderate with at least one C.. As a result,
feedback pole p,, asserts its influence when C and C shunt
Rigy | Regy:

GD.ND2 GS.ND2

1 |
+C

=R || Rep,

s(C
GD.ND2 10f0dB(max)

GS.NDz)L, 1
B 271(Rppy || Rep2(Copapz + Casnp2)

(7.17)

where M, ’s Miller effect on C_, ., is negligible because there is lit-
tle gain across M, , and R, is in parallel with R because p , at
these frequencies, already shorted output v, to ac ground.

All other resistances in the circuit are near 1/g, so the next poles
to consider are mirror pole p,, and folding poles p, and p, because
their respective capacitances include at least one C . (and C_; and C,

are usually considerably larger than C_;, and C)). Mirror pole p,,

results when C ¢\, Cooinr @nd C o shunt the 1/g 1 resistance
M, presents at approximately g ../20(C¢ \i + Cos i)’

1 | _ 1
S(Cosrm + Casnmz + CGD.NM2)| S NM1 5ss 8mNM1

r
M 2"(CGS.NM1+CGS.NM2+CGD,NM2)

(7.18)

except mirror zero z,, offsets p,'s effects soon after at 2p,,, which is
why its placement can remain only slightly above f .. Folding poles
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p, and p, at the source terminals of cascode transistors M., and M.,

occur when C; ., C. s and C,  , short the equivalent 1/g, . resis-
tances present:
1 | _ 1 (719
S(Ces.pc * Coe.rs t Copp) | 8m.pC 10 8mpc
deB

P12 21(Cgs pc* Coe.pe+Cop.ap)

where the resistance into M,,.,’s source is unaffected by the r
because, at these frequencies, p,, already shorted r_,,,, to ac ground.
Although these poles only include one Ceo unlike p,,, which has two,
they have no zero to help offset their effects so they should reside a
decade above f .. Note p, and p, affect each half of the differential
signal equally so their collective effect on the full differential response
is one pole atp, ,.

Although power device M, ’s in-phase feed-forward capacitor
Cesno 18 relatively large, the left-half-plane zero (i.e., z,) Cyg, intro-
duces tends to reside at high frequencies because C_,’s current
must overwhelm the relatively large transconductor current M,
sources before having any impact on the response:

ds.NM2 load

) Ugs NO .
lcgs = gl =lgnno = Ugsno8mno  (7.20)
Eey

GS.NO __8mNOo

>5f
2nCgsno P

Nevertheless, ensuring z,, remains slightly above f . to avoid
unnecessarily extending f, . to the parasitic-pole region is impor-
tant, unless C, is negligibly small, in which case z,, cancels p,,
and z. should stay slightly above f, .. The zero M ,’s out-of-
phase feed-forward capacitor C_,, introduces when C_, ..’s
current exceeds g, ,,’s current, however, must in all cases remain
at least one decade above f,,, because z, , resides on the right half
of the s plane:

P Ugs.ND2 ~ Yds.ND2 | _ g2 |
c.GD ( 1 J [ 1 ]
sCop.np2 N $Cop.np2 e SHAD2 0
ND2 NP2 3 Cp g 0dBmax)
=lemND2 = Vgs ND28m.ND2 (7.21)

Fortunately, C_, , ,, is typically not large so placing z
quencies is not terribly difficult.

at higher fre-

ND2

301



302

System Design

Chapter Seven

7.2.2 Low-Dropout Regulator

As in the high-power low-dropout (LDO) case described earlier, an
LDO topology uses a MOS power transistor to forego the base-current
requirements of a BJT and the device is p-type, as shown in the sam-
ple embodiment of Fig. 7.34, to reduce dropout voltage. The particu-
lar design shown employs n-type differential pair M ,-M,,, loaded
with folding cascoded mirror M,,,,-M,,,, and corresponding biasing
devices M, and M, ,,. Compensation Miller capacitor C.. pulls error
amplifier pole p,, to lower frequencies and nulling resistor R, pulls
power transistor M,,’s right-half-plane zero to the left-half-plane
zero (as z,). As before, C helps supply and sink high-frequency
load current.

IBIAS

Myg] |

Mygsc |[C
[
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(b)

Ficure 7.3 Internally compensated low-dropout CMOS regulator (a) circuit and
(b) corresponding gain-phase response across frequency.
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Compensation

Although the LDO topology shown in Fig. 7.3 seems vastly different
from the HDO counterpart in Fig. 7.2, the compensation strategy is sur-
prisingly similar. As in the HDO case, error amplifier pole p,, is domi-
nant, except now Miller capacitor C_. exploits the inverting gain across
power PMOS device M, (i.e., A,,) to shunt biasing transistor M,;,’s
74 npo At Ppa- Low-frequency gain LG, therefore drops linearly past p,
until it reaches 0 dB, in the absence of other poles and zeros below fO .
at gain-bandwidth product LG, p,, or g »/21(C. + C..0):

LG, LGy
1+ E (E
Pea Pea
B 8 mnpasxm2Apo | =1 (7.22)

Tas a2 [Apo (Ce + CDGAPO)]S| __ SwD
0487 21(Cc+Cpg.ro)

Output pole p, then follows because output capacitance C is
considerably high (as much as the application allows) to accommo-
date high-frequency load dumps. This time the effects of p assert
their influence on the loop when C,and M,,'s C; ., shuntthe 1/g ..
diode-connected resistance that results after C.and C ,, short M, ’s
gate-drain terminals, which happens at lower frequencies, past p,,:

1 1

(7.23)

S(Co + CDB_PO) o= 8m.PO >f0dB &m.ro
07 2n(Co+Cpppo) 10

Nulling resistance is high enough to not only block out-of-phase
feed-forward currents through C_.but also shift the feed-forward zero
to the left half of the s plane and help offset the effects of p. Recall z,,
occurs when nulling path current i, equals and surpasses M,'s i,

- (Vgsp0 — Z’ds,Po)| _ Ussro |
" 1 - 1

R, +— R, +—

N sCe N sCe 1
ZN IN= ~Po
21{1% 7[ ! HCC
8m.PO
Elgm = ng.POgWLPO (724)

Unfortunately, as in the HDO counterpart, p,, shifts considerably with
output current I, while z,, does not; and to make matters worse, z, does
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not even track p, with process or temperature. As a result, p, (and z,)
should not precede f,,, by more than a decade to avoid the phase shift
across the loop from dipping to 180° at any frequency below f, ..

The parasitic poles and zeros that appear past p,,, p,, and z,, as
before, reside only within one decade past f,, and left-half-plane
zeros hover nearby to prevent the phase response from avalanching.
The first pole to consider past p, and z,;is, again, feedback sense pole
P because R || R, is moderately high, by design, to reduce quies-
cent current flow through R, and R, :

1 |
+C

s(C =Ry || Reg,

GS.ND1 )| 1

GD.ND1 pFB’zn(R 1 Repa)(C TC )10f()dB(max)
81 Il ReB2)(CepaD1 T Casnpt

(7.25)

where, as before, the Miller effects of C_,,,, are negligibly small
because there is little gain across M, and R, is in parallel with R,
because p,, already shorted v, to ac ground at these frequencies.

As in the HDO case, mirror and folding poles p,, and p, , are next
because the remaining resistances in the circuit are roughly 1/g, and
p,, and p, , include C_q capacitances, which are moderately high with
respect to C_, capacitances. Mirror pole p,, occurs when C C

C and C short M, ,,’s 1/g, ., resistance:

SG.PM1” ~SG.PM2/

DG.PM1/ DG.PM2

1 |

S(CSG.PM'I +CSG.PM2 +CGD,PM1 +CGD.PM2)|pM Sm.PM1 5f0d}1
21(Cs pm1 + Csc.pmz2 + Cop.pmi + Cap.pmz)

1

(7.26)

8m.pPM1

except mirror zero z,, offsets its effects soon after at 2p, , which is why
p. s placement may remain slightly above f .. Similar to the exter-
nally compensated LDO, cascode current buffer M,, ., closes the mirror’s
local feedback loop and the pole at M,_,’s source should therefore
coincide or exceed p,, to avoid exposing this loop to unstable condi-
tions. This condition is automatically met when considering folding
pole p, must remain a decade above f,, because no left-half-plane
zeros exist to offset its effects. As in the HDO circuit, the influence of
P, is felt when C._ ., C,.\p and C ,, shunt the 1/g . resistance
present at M, .,-M,,.,’s respective sources:

1 | 1

S(Cs.pc + Cpepm * CDGND)L 8wpc 10f,, SmPC
2 21(Csg pc *+ Cog.pm + Coa.np) 0dB

(7.27)
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where the loading influence of r,_, ., on M,,’s source 1 / 8,pcy TESIS-
tance is negligible because the Miller capacitance present at v, shorts
7, np2 10 ac ground at lower frequencies.

In the HDO regulator previously shown, in-phase feed-forward
capacitor C_,, introduces an additional left-half-plane zero to the
mix that allows f, ; to drift slightly to higher frequencies. The inter-
nally compensated LDO circuit illustrated in Fig. 7.3 unfortunately
does not enjoy this luxury because its nulling zero z, is already dedi-
cated to canceling p_'s effects. Like z  in the externally compensated
LDO case, however, a feed-forward capacitor across Ry, can intro-
duce another left-half-plane zero, but doing so sacrifices silicon real
estate (i.e., money). In any case, the last zero to consider is the one
out-of-phase feed-forward capacitor C_ ,,, introduces when its cur-

rent overwhelms M, ’s transconductor current i :
gm.ND1

_ Ygsnp1 ™ Yas ND1 gs.ND1

C.GD — ( 1 ) = ( 1 )
sC sC
GD.ND1 GD.ND1 8m.
Z EN i vy — hD1 210 fy4B(max)

ND1 =
7Cap.ND1

. [%
1

(7.28)

LemND1 = Ygs ND18 m.ND1

and its location should exceed f, . by at least one decade, which is nor-
mally not difficult to accomplish because C_, ., is relatively small. Note
M,’s intrinsic out-of-phase feed-forward parasitic capacitor C
does not and cannot include a current-limiting resistor like R, s0 C_, o
introduces another right-half-plane zero z,, to the loop. Fortunately, z,,
is at considerably higher frequencies because the transconductor current
Ceparo s displacement current must overwhelm to invert the phase
across My, is considerably high (i.e., M,'s i ., is relatively high).

What is interesting and perhaps useful in a Miller-compensated
LDO (as shown) is the circuit’s tendency to remain stable across a
wide range of values of output capacitance C,. The case thus far pre-
sented assumes C,, is relatively small and bounded to keep p,_, within
a decade of f, ., but consider that increasing C, pulls p, to lower fre-
quencies while simultaneously pushing p,, to higher frequencies.
Pole p,, shifts because shunting v to ac ground reduces the gain
across M, and the Miller impact M, hason C.and C .. As aresult,
if C, is sufficiently large, p, becomes dominant because C, and C, .,
shunt r , ,, in parallel with R, + R, at considerably lower frequen-
cies than the equivalent Miller pole does:

GD.MPO

1

S(Co + CDB‘PO) " 1
O 2714, po I (Regy + Repa)Co + Cpppo)

=1y, p0 | (Repy + Regy)

(7.29)
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Miller pole p,, would then result when C_and C
ground, shunt »

cppoy NOW that v isac

ds.NB2*

1
S(Ce +Copro)

. =T4s.NB2 (7.30)

~—>f0£
PEA™ =
21745 np2(CctCopro) 10

Resistor R, would now yield the effects of a left-half-plane zero z,,

when C_’s impedance shorts with respect to R, in other words, when
1/sC_ falls below R;:

1

sCe

il
bl

N (7.31)

1
ZNZWZPEA
past which point the total impedance across the C -R,, path reduces to
R,. Under these new operating conditions, which amount to swap-
ping p,, and p, and using z,, to cancel p,, in the Bode-plot response
shown in Fig. 7.3b, the circuit is again stable.

Worst-case stability conditions occur when C, is at an intermedi-
ate point (e.g., 500 nF-2 pF), when p,, and p, are close. Consider,
however, that not only does z, save phase in this region but the low
loop gain that results from having to accommodate load-induced
variations in p, (as discussed in Chap. 4) also helps the loop gain
reach f, . without experiencing the full phase-shift impact poles p,_,
and p,would have otherwise had. As a result, the system is ultimately
capable of remaining stable across a vast range of C, values, albeit
with varying degrees of gain and phase margins and settling-response
performance. Incidentally, this role reversal between p., and p,
amounts to shifting the internally compensated strategy for its exter-
nally compensated counterpart. Also note that, with respect to power-
supply rejection (PSR), Miller capacitors C. and C,, ,, feed forward
ac ripples in v to v, because shorting M,,’s gate-drain terminals
decreases the coupling impedance between v, and v, to roughly
1/8, »or which means PSR performance suffers, underperforming the
LDO and HDO circuits shown in Figs. 7.1 and 7.2.

The silicon real estate a large Miller capacitor demands from a
dense system-on-chip (SoC) solution is costly and sometimes difficult
tojustify. Decreasing the area overhead of on-chip capacitors by actively
multiplying their capacitances (as discussed in Sec. 4.6.3, Multiplying
the Miller Effect) presents some risk but the area they save may none-
theless offer appealing alternatives. Figure 7.44 illustrates and high-
lights how to leverage and modify the LDO circuit presented in Fig. 7.3
to multiply the effects of capacitors C,, and C, on the dominant low-
frequency pole present at v,. The basic idea is to channel the capacitors’
displacement current into amplifying current mirrors (e.g., M, ,-My,,
and M, ,-M,,,) and steering the multiplied currents back to v,.

Mirror M, ,-M,,,,, for example, multiplies C,/s current i, so the total

NBX2 NX2/
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Ficure 7.4 Miller-multiplied low-dropout CMOS regulator (a) circuit and
(b) corresponding gain-phase response across frequency.

ac current displaced from v, due to C,, is the equivalent of a capacitor
Cpox With (1 + A) times the capacitance of C,:

i =i gy = i (14 A) = UT 1+ A) Ez’% (7.32)
(@) (SCEQX]
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Similarly, but now applied to Miller capacitor C,,, mirror M, ,-M,,
displaces current from v,, at the equivalent rate of an A times larger
C,, Miller capacitor. In other words, C,, presents a Miller-multiplied
capacitance Cy, at v, that is roughly equivalent to AC,,. Inciden-
tally, C,, feeds current to v,, through M, .-M_,, and M, -M,
(instead of M, ,-M,,,) to ensure its connectivity to v, remains non-
inverting because a conventional Miller capacitor offers no inversion
from v, to v., to maintain negative-feedback conditions across the
inverting amplifier C,, encloses, which in this case is M, ,'s common-
source gain.

Figure 7.4b verifies that a Miller-multiplied on-chip 2-pF capaci-
tor achieves the same Miller objectives of a conventional 20-pF Miller
capacitor. Their frequency responses differ slightly at higher fre-
quencies because (1) the current multiplier has additional energy-
shunting poles in its path (i.e., the loop is bandwidth limited) and
(2) the multiplying mirror presents a series 1/¢  resistance that intro-
duces what amounts to a left-half-plane zero. These nonidealities
produce a peaking effect near the unity-gain frequency that C,,
which is not a Miller capacitor and benefits from having a shorter
and therefore higher bandwidth path, dampens. (Incidentally, C, is
2 pFin the results shown in Fig. 7.4b.) Decreasing M, ,,,’s 1/g, resis-
tance by, for instance, increasing the shunt-feedback loop gain
across M, ,’s drain-gate terminals, that is, by introducing a high-
bandwidth noninverting amplifier between M, ,’s drain and gate
terminals, also dampens this effect. The biggest drawback to this
technique is mirrors M, ,-M,p ., M -My,,, and M, .-M,, , increase
the input-referred offset of error amplifier A, because compounded
mismatches in these mirrors produce a considerable offset current
between M, and M_,,, which means the overall accuracy of the
regulator suffers.

NX2/

Self-Referencing

Accuracy across temperature is a key performance parameter, and
although the regulator’s input-referred offset plays a key role, refer-
ence voltage V. carries the bulk of the burden. Delegating the task
to another circuit is usually prudent because other circuits in the sys-
tem also rely on an accurate reference and sharing the same resource
reduces overhead in silicon area, power, and possibly test time. The
value of an extremely accurate reference, however, is lost in a regula-
tor because the temperature drift of the regulator’s input-referred
offset counters the efforts of the reference. Dedicating a reference to
the regulator, on the other hand, to correct this error is often too costly
to consider, which is why reducing the offset in the first place remains
the top priority.

Some applications call for self-referencing features in regulators
because a global reference is not always available. Power-moding
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for the sake of extending battery life, for instance, often involves
powering down several functional units in a system at a time,
including the reference, but not necessarily the supply. Other appli-
cations demand a self-referenced regulator simply because the only
available reference is off chip, and the cost associated with allocat-
ing a pin and PCB real estate to import that reference into the IC is
prohibitively high.

7.3.1 Zero-Order Approach

Temperature independence in a regulator, like dropout performance, is
not always a requirement, and overdesigning a circuit for sheer accom-
plishment increases silicon area, power, risk, and effort unnecessarily.
Irrespective of what the application demands, understanding the basics
of temperature dependence is important when designing circuits to
survive standard and extended commercial temperature ranges, such
as 0-85°C and —-40-125°C. To this end, a Taylor-series expansion is use-
ful because it describes a parameter’s dependence to temperature with
respect to its zero, linear, quadratic, and higher order terms:

N
P=Y K,T4=K,+KT"+K,T? +---+ KTV (7.33)

A=0

where P is any parameter and K, K, K,, and so on are its zero-, first-,
second-, and higher-order coefficients. For example, the first- and
higher-order coefficients of a perfectly temperature-independent ref-
erence are zero. By convention, as a result, when only the first- and
second-order coefficients are zero, the parameter is more temperature
dependent and said to be independent to second order. Similarly,
when the first-order coefficient is nonzero and not negligibly small,
irrespective of higher-order terms, the parameter is temperature
independent to zero-order, which is where self-referenced regulators
without temperature independent features fall.

Base-emitter (or diode), gate-source, and Zener voltages are
valuable zero-order references because they produce reasonably
predictable voltages across process extremes. In modern regulator
applications, however, zener voltages (e.g., 5-8 V) are not as practical
as their base-emitter and gate-source counterparts are because they
often exceed the voltage breakdown levels of driving process tech-
nologies (e.g., 1.8-5 V). As a result, deriving a regulator output v, as
illustrated in Fig. 7.5, from a base-emitter or gate-source voltage (i.e.,
Quea'S Uy Or M ,.'s v.) and regulating its value to, for example,
Upe(Rppy + Regy) /Ry 01 U (Rpp + Rp,) /Ry, with a power device (i.e.,
Quo or M) in shunt feedback is a popular means of self-referencing
a regulator with zero-order temperature independence.

In the circuit shown, Q, , and M, constitute high-dropout (HDO)
power devices with relatively low output-resistance characteristics.
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Ficure 7.5 Self-referenced zero-order (a) BJT and (b) MOSFET HDO regulators.

Because v, exhibits low resistance, output pole p,, is nondominant, but
since capacitance C, is nonetheless important and nonnegligible to
supply fast load-dump currents, capacitor C. pulls Qs base (and
M, s gate) pole p,., to lower frequencies and ensures p,, remains
dominant. Feedback pole p,, at 7., (and v ) is not negligibly high
because Q;,’s C, (and M,;,’s C) and feedback resistances R, and
R,,, are moderate (because low resistance values would otherwise
increase quiescent current) so R.. introduces a left-half-plane zero to
offset the combined effects of p, and p,,,. Note that referencing transis-

tors Q,;, and M, ., double as error amplifiers in this configuration.

7.3.2 Temperature Independence

Gate-Source Voltage
Including temperature independence increases the complexity of the
circuit, although not necessarily to an extreme. Perhaps the simplest
means of doing so is to find a naturally existing temperature-
independent voltage or current, except such a voltage or current rarely
exists in practice. Gate-source voltage v, however, decomposes into
threshold voltage V. and drain-source saturation voltage V. ., where
the latter includes the effects of transconductance parameter K’ in its
denominator:

Vs = Vi + V), Vi + (7.34)

S(sat)
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What is interesting about this decomposition is that V. and K’ both
decrease with increasing temperatures, which means the former has a
tendency to decrease v and the latter to increase it. Since a MOSFET’s
bias drain current I, and aspect ratio (W/L) affect how much the tem-
perature drift in K” alters V., an optimum current-density setting
I,/(W/L) exists that exactly matches and opposes the effects of V.’s
drift in V. As a result, Fig. 7.5b also illustrates what could be a tem-
perature-independent output, but only when I /(W/L) is at its opti-
mum point. In practice, process variations in V., and K’ are apprecia-
ble at maybe +100-150 mV and +15-25% and uncorrelated so V_/’s
variation drift, although reduced, remains far from zero. Neverthe-
less, the concept and circuit are sufficiently simple and robust to win
the favor of many designers.

Bandgap Approach

Increasing temperature independence in a circuit, in a more general
sense, similarly reduces to combining temperature-dependent com-
ponents whose complementary effects with temperature cancel. The
most practical approach is to find two voltages (or currents) whose
temperature-induced variations generally oppose one another, as
shown with V, or V. and V. in Fig. 7.6a, so that their net sum
(i-e., V) remains nearly constant with respect to temperature.

The temperature dependence of the two components that com-
prise the reference need not be linear (or nonlinear, for that matter) to
produce a nearly constant response, just as long as they cancel each
other’s effects. In searching for the best candidate, looking for volt-
ages (or currents) that do not vary significantly across process corners
(from die to die, wafer to wafer, and lot to lot) is important because
wide tolerances ultimately defeat the temperature-independent qual-
ities of a supposedly accurate and predictable reference. From this
point of view, the value of pn-junction diode voltage V, (or base-
emitter voltage V) is undeniably high with respect to their gate-
source counterparts (and the threshold voltages that partially define

Verar -
Veer -~
12V = Zoomingin 1.2V VRreR
VBE
- (or Verar)
Temperature [K] I Temperature [K]

(@) (b)

Ficure 7.6 Canceling the temperature drift of a voltage that is proportional
to absolute temperature (PTAT) with another that is complementary to
absolute temperature (CTAT), such as diode or base-emitter voltage V,

or V,,, to produce temperature-independent reference V..
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them) because the absolute variation of the former across process
corners is considerably lower.

A pn-junction voltage generally decreases with increasing tem-
peratures at approximately —2.2 mV per degree Celsius. Because its
linear component for the most part overwhelms higher-order terms,
diode voltages often complement voltages that are proportional to
absolute temperature (PTAT), which is why they are said to carry com-
plementary-to-absolute-temperature (CTAT) features. Ultimately, even
though the compensated reference V. is mostly flat across tem-
perature (as shown in Fig. 7.6a), the higher-order components in V
add the characteristic curvature shown in Fig. 7.6b, albeit at smaller
scales.

Canceling the first-order component, as achieved by the com-
bined effects of V. and V., constitutes what is coined as first-
order compensation and reducing the effects of higher-order terms is
curvature correction, the former of which normally achieves (when
trimmed) 20-100 ppm/°C of drift and the latter less than 20 ppm/°C.
Even if curvature correction were to perfectly compensate higher-
order components, the fillers used in the plastic package to decrease
the thermal coefficient of expansion of the plastic introduce uncom-
pensated and uncorrelated offsets in the circuit that often render
curvature compensation efforts ineffectual. Ultimately, the additional
circuit and trimming complexity required to improve the performance
of a first-order reference by a small margin is often times difficult to
justify.

The bandgap reference, as it is typically called, is a popular circuit
that uses, at its core, a PTAT voltage V. to compensate the CTAT
behavior inherent to diode or base-emitter voltage V, or V.. The
name bandgap arises because the zero-order temperature term of the
diode voltage the reference employs is the “band-gap” voltage of sili-
con, which is why the diode voltage is 1.2 V at 0 K. Additionally, and
perhaps more importantly, because the PTAT voltage used to com-
pensate V has no zero-order term (i.e., V. is zero at 0 K), the refer-
ence voltage of a bandgap circuit also reduces to approximately 1.2V,
since canceling first- and higher-order terms leaves Vs zero-order
component intact. Generally, the same applies to diode- and PTAT-
derived currents, except for the transresistance translation of the
bandgap voltage (i.e., 1.2 V) to a resistor-defined current. Similarly,
diode and PTAT fractions combine to yield references whose values
fall below the bandgap mark of 1.2 V, achieving sub-bandgap values
in the 0.2-1 V range. Irrespective of what ratio or derivative the cir-
cuit ultimately combines, using diode and PTAT voltages in any form
to produce references follows the bandgap approach, even when
applied to the core of a regulator.

Diode voltage V, without its PTAT counterpart may be of little
consequence but what is interesting about the bandgap is that V, itself
can generate its own compensating PTAT voltage. This trait results
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because the exponential expression for diode current I,) includes ther-
mal voltage V,, which increases linearly with temperature:

%)
Iy = Ise{v'j (7.35)
or
V=~V 1n(11—0j Tl (7.36)
S

where reverse-saturation current I, is proportional to the cross-sectional
area of the pn junction, as in the emitter area of a BJT. As a result, taking
the difference between two diode voltages derived from matched, but
ratioed devices (i.e., area of one is a user-defined fraction K, of the other:
A, is A K,) carrying matched and maybe ratioed currents (i.e., one cur-
rent is the mirror ratio K| of the other: I, is I K)) produces a predictable,
reliable, and considerably linear PTAT voltage V., across temperature:

Ipd
Vorar =AVp =V =V, = ViIn (ﬁj =V ln(KAKI) T (7.37)

The important conclusion to draw at this point is that a difference
in diode or base-emitter voltages AV or AV . with proportionately
ratioed current densities I /A produces PTAT voltage V... The cir-
cuit core shown in Fig. 7.7a, for example, exploits this basic theorem
by inserting a resistor (e.g., R,,,;) in the path of what would have
otherwise been two equal base-emitter voltages—the voltage across
R, ,; is the difference between Q, and Q,’s base-emitter voltages. The
resulting AV is PTAT only because the mirror circuit attached to Q,
and Q, forces their corresponding current densities to remain con-
stant ratios of one another. Note this same PTAT core (with additional
supply- and ground-referenced mirroring transistors) is the basis for
most bias current generators used today.

Although not always the case, diode-connecting one of the bipolar
transistors is typical, as indicated by the dashed line in the figure, but
a more general implementation of the core includes a level-shifting
and maybe amplifying voltage buffer between the same collector-base
terminals. For improved matching performance, the current mirror
normally has a gain of 1 A/A because lower spreads in gain lead to
reduced mismatches in currents. For similar reasons, only equally
sized BJT segments are typically used. A ratio of eight between the
matching BJTs is usually optimal because surrounding one device
with eight others, as shown in Fig. 7.7b, is more area efficient and
modular (i.e., modular or square layouts match better and are more
compact) with common-centroid and two-dimensional gradient-
cancellation features than just using four (or ten, or twelve) B]Ts along
the periphery. A ratio of two, as illustrated in Fig. 7.7c, is also popular
for lower accuracy applications because the resulting layout is still area
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Ficure 7.7 AV, PTAT generator core (a) circuit and (b) and (¢) common BJT layout
implementations.

efficient with common-centroid features, although some of its modu-
larity and two-dimensional gradient-cancellation qualities are lost.

The circuit core, as shown in Fig. 7.74, is a bi-stable circuit because
transistors are just as content to carry PTAT current I, , . (or equivalently
Vorar/ Ropar) @s they are conducting zero amps. In other words, the mir-
ror sources ratioed currents and the AV circuit ensures the currents are
PTAT, unless the mirror is off, in which case the AV circuit does not
work. To avoid this zero-current state, a start-up circuit typically sam-
ples this current (or its voltage translation), compares it against a nomi-
nal threshold, and ensures it stays above the threshold by sourcing or
sinking additional current into the circuit. Sometimes this start-up cir-
cuit is nothing more than a small and constantly flowing current into
the base of the BJT pair, like from a long-channel junction field-effect
transistor (JFET), as depicted by start-up JFET ], in Fig. 7.7a.

Bandgap Conversion

The only difference between a zero-order diode-derived regulator and
its first-order counterpart is the inclusion of a PTAT component in out-
put v,. Consider, for instance, how the self-referencing zero-order
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Ficure 7.8 Inclusion of PTAT current into zero-order self-referenced HDO circuit.

regulator in Fig. 7.5a and the PTAT current-generator core in Fig. 7.7a
combine to produce the first-order circuit shown in Fig. 7.8. The basic
idea, with reference to the zero-order circuit in Fig. 7.5, is to incorpo-
rate PTAT voltage AV R /R, . into v, by sinking a PTAT current
from v, (with Q,..,), which forces a PTAT voltage component to

appear in R, 's voltage V.

Vv V. AV,
Vo = Ve "’(RBE +IPTAT]RFB1 = Vig "(RBE R B )RFBl
FB2 FB2 PTAT
Ry, + R R
= Ve (—FB}{ B2 j + AV [—R FBL j (7.38)
FB2 PTAT

In this case, the PTAT generator core also biases error-amplifier and

referencing transistor Q, ., (to conduct I, ) via mirroring device M.

NEA PTAT:

Bandgap Integration

Another variation of the same theme is to integrate the PTAT core
circuit into the feedback network of the zero-order self-referenced
HDO circuit, as shown in Fig. 7.9. As before, the core pulls a PTAT
current from base-emitter node v, that creates a series temperature-
compensating PTAT voltage across resistor R, and in output V;:

R
Vo = Vg + IprarRpy = Vg + AVgg [ = ) (7.39)

RPTAT

315



316

System Design

Chapter Seven

= Mpg,
B[ h
I Myo
VEA .

PEA CO)
1 O
— PTAT Core

Cc +

& E § Po

S
ONEA
X PrB k‘ Co
. \‘T \‘?Ns
Rprar Crr 0 }_4_‘

%

Ficure 7.9 Integration of PTAT core into zero-order self-referenced HDO circuit.

o0

1 PTAT

In this case, resistors R, and R, in the core match and constitute a
current mirror because the voltages across them equal at v, — v,
where Q , and Q,.,’s base-emitter voltages equal because QN3, -
and M., mirror, fold, and force Q,, and Q,, to carry the same cur-
rent densities. N-channel start-up JFET ], ensures v, does not drop to
0V so the circuit does not fall into a zero-current state.

With respect to stability, C. pulls v,,’s pole p,, to lower frequen-
cies, R.. introduces left-half-plane zero z_. to mitigate the avalanching
effects output pole p, and feedback pole p,, have on phase response
near the unity-gain frequency, and C, sources the load current which
the regulator is not quick enough to supply during fast load dumps.
PTAT-core components R,, Q,,, and Q,, present an out-of-phase
feed-forward path to v,, whose right-half-plane zero effects (i.e., z)
appear when Q, ’s small-signal collector current exceeds R,’s coun-
terpart. To push z , to higher frequencies, the degenerating impact of
R, is applied to Q,, and its resulting small-signal current, not Q,,
Additionally, as frequency increases, C,, shunts some of this feed-
forward energy to ground, further pushing z . to higher frequencies
under the guise of feed-forward pole p,..

The dual feed-forward paths in the core actually add design flex-
ibility because reversing the polarity of the main path amounts to
exchanging Q,, and Q,-R,,,,’s respective places in the circuit. This
polarity inversion is exactly what an LDO transformation requires, as
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Ficure 7.10 Integration of PTAT core into zero-order self-referenced LDO circuit.

shown in Fig. 7.10, because a p-type power device introduces an
inversion its n-type counterpart does not. The only other variation to
the circuit relates to compensation, as C. now enjoys the benefits of
Miller multiplication and R. shifts the out-of-phase feed-forward
zero across M, to the left half of the s plane. Q,, and Q,,’s base pole
p, is now part of the main loop, except it resides at relatively high
frequencies because Q,,’s diode connection’s 1/g, resistance is low
and R, ,.'s resistance is usually only moderate. Q,,’s C _also intro-
duces an out-of-phase feed-forward path but its resulting right-half-
plane zero is also at relatively high frequencies because C, is small
and Q,,’s transconductance is high (given Q, , is a BJT).

The underlying aim behind the design of the PTAT core shown in
Fig. 7.7a is to insert R, in the voltage loop enclosed by the base-
emitter voltages of two BJTs so that PTAT voltage difference AV,
appears across R,,,. Where in the loop R,,,, lies does not change
AV, as long as current densities into the transistors remain ratioed.

Figure 7.11 achieves the same result by shifting R, . out of the emit-

ter degenerating position into the base junction of the two BJTs, keep-

ing R, in the loop but now between the two bases. (Note R, and R,

3
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Ficure 7.11 Integration of differential PTAT core into zero-order self-referenced
LDO circuit.

match and introduce no offsets because their respective voltages
equal.) Resistor R, amplifies the PTAT voltage contribution in output
v, enough to offset Q, ,, base-emitter voltage v,s first-order depen-
dence and produce a bandgap-like response:

R
Vo = Vg + Iprar(Rprar + Rp) = Ve + AV [1 + R L j (7.40)
PTAT

Devices M,,, R, and R, with reference to the core illustrated

in Fig. 7.7a, constitute the buffer that replaces the diode connection
that would have otherwise existed around Q,,,. Mirror Q,,-Q\wr
like a differential tail current, ensures the total current flowing
through Q,,, and Q,,, is PTAT and mirror M, , -M,, , forces that cur-

rent to split equally between the two B]Ts. JFET |, as before, keeps the
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circuit from entering the zero-current state by constantly pulling cur-
rent from v,, and consequently inducing M., to conduct and start the
circuit, if nothing else is on.

The error amplifier in the feedback loop now reduces to differen-
tial pair Q,,,-Qp, and p-type mirror load M,,,-M,,,,, except only
Qup conducts the desired negative-feedback signal back to power
device M. R, however, drops the ac value of the small signal
present at v, and reduces the out-of-phase feed-forward gain through
Qup, With respect to Q, ., effectively pushing right-half-plane zero z,,
to higher frequencies. R ,-C,.'s pole p, further filters the feed-forward
path to reduce its overall impact on the feedback loop. Base current
produces a voltage across R, so R, is added to match that voltage
and cancel any effect it would have otherwise had on the modified
PTAT core. Besides amplifying the PTAT contribution in v,, R, also
sets the headroom voltage across tail current transistor Q,,,, to ensure
Quw,'s collector-emitter voltage remains above V.. .. across the
entire temperature range. C., R, and C_, as before, pull pole p_, to
lower frequencies, pull zero z_ to the left half of the s plane, and source
fast load currents, respectively.

Current Regulation

In power supplies, current regulation is not really an objective but a
means to an end. Although currents used to bias the constituent ana-
log and/or mixed-signal building blocks in a given system could ben-
efit from current regulation, for example, they normally do not require
it. Switching power supplies, especially boost regulators, on the other
hand, often embody current regulation features to regulate inductor
current and consequently transform an LC response into an RC equiv-
alent, except these current loops do not stand on their own—voltage
regulating loops normally embed them. From an analog-design per-
spective, perhaps the most appealing feature of current regulation is
high output resistance. With respect to power supplies, for instance,
testing the supply’s response against “controlled” changes in load
current is important so experimental setups often benefit from the use
of regulated load currents. In any event, for these reasons and for the
sake of completeness, the following discussion briefly addresses some
important design considerations when employing current regulation.

Regulating current involves using feedback to ensure output cur-
rent undergoes little to no variations when subjected to changes in
output voltage, which is the natural by-product of a series-sampled
negative-feedback loop. This feature of high output resistance is espe-
cially attractive in current sources and current mirrors, as variations
in output current in these applications degrade accuracy. Extending
the range for which this feature remains true is also important so low
minimum output voltage V, is another important metric to

A N | ¢ OUT(min)
evaluate in circuits of this sort.
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7.4.1 Current Sources

One way of defining and regulating a current is to use a differential
transconductor (e.g., G,,) or operational amplifier and a series-
sampling transistor (e.g., M) in a feedback loop, as illustrated in
Fig. 7.12a, to set the voltage across and current through a series
resistor (e.g., R). The virtual short circuit that results across G_,’s
input terminals ensures output current i, is dependent on input
reference voltage v, (i.e., i, is v,../R)) and independent of output
voltage v,. The loop only has two poles, where the resistance at
M, ’s gate (i.e., v,,) is considerably higher than at its source (i.e.,
v,;) S0 compensating capacitor C_, although often not necessary,
helps pull v_,’s pole p,, to low frequencies, ensuring p,_, remains
dominant over p.. M| 's in-phase feed-forward capacitor C_ helps
maintain phase margin by introducing a left-half-plane zero z,
soon after p,, rendering the circuit considerably robust with respect
to stability.

The output resistance of regulated cascode transistor M, is
the amplified extrapolation of its nonregulated, but still source-
degenerated counterpart. With respect to feedback, the circuit’s
forward open-loop transconductance gain A_. or equivalently
i/ (Oger = Upg) 18 GL Ry 108, no (Where R is G,,’s output resis-

O.EA
tance) and feedback factor B, or equivalently v, /i, is R, so the

closed-loop transconductance gain A_ ., which is i /v, reduces
to approximately R, ™
A - I _ Ag oL _ GpaRo£a8mno _ 1 (7.41)
CU T oper 1+ AcoBrs 1+ GeaRopa8unoRr R

BIAS VEA |

PEA
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Ficure 7.12 (a) Voltage-derived and (b) self-referenced regulated cascode
current sources.
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Series-sampled feedback increases M, ,'s open-loop output resistance
7, no DY approximately the product of A, (or G.,R and B,
(orR):

G.OL O,EAgm.NO)

Rocr =Roor(1+ Ag o1 Brs) + Ry gp

= Tgsnoll + (GpaRo pa&mno)Ri1+ Ry = 74550 (GpaRo £a 8 mnoR1)
(7.42)

where R, is the circuit’s closed-loop output resistance and R, . the
input resistance of the feedback network (i.e., R). Minimum output
voltage Vi p ., corresponds to the minimum voltage M, can sustain
before entering triode (i.e., its low-gain region), which is the series com-

- , : . .
bination of M, 's saturation voltage V. ., and input reference V.

VouTtmin) = Vbs.nogat) T Vrer (7.43)

so large aspect ratios for M, and low V. values produce the best
results, that is, the lowest VOUT(mm).

Figure 7.12b illustrates a simplified transistor-level embodiment of
the op-amp circuit shown in Fig. 7.12a. In this case, transistor M,
replaces transconductor G, and feedback node v, doubles as the refer-
ence, giving the circuit a self-referencing quality. The voltage across R, is

now M, ..’s gate-source voltage v, so the resulting output current is

NEA GS.NEA

ip= _”G%ITEA (7.44)

Output i,’s dc value is not regulated, as it was in the previous case,
which means the circuit is more sensitive to process and temperature
variations through threshold voltage V and transconductance param-
eter K’. Output current i  is, however, regulated against variations in
output voltage v,, as it was in the previous circuit, so closed-loop out-
put resistance R, is similarly an amplified version of M, ’s open-
loop output resistance r,_, .:

Rocr = Roor 1+ Ag o1 Beg) + Ry
= Tgsnol1 + (GeaRo Ea& im0 )R 1+ R,
= Tyeno (1 8ngaTasnea8mno R + R
= 73580 (& neaTas NEAS mNO R 1) (7.45)
The minimum output voltage for this circuit is, as before,
Vomin) = Vpsnosay T Vrer = Vbsnogsat) T Vasnea (7.46)

k71|
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except reference V.. is necessarily a gate-source voltage above
ground (e.g., 0.9-1.5 V) so V, , is potentially higher than its op-

OUT(mj
amp counterpart.

7.4.2 Current Mirrors

Current regulators, like their voltage regulating counterparts (but with
respect to current), often rely on existing current references to derive
their output, ultimately performing the function of a current mirror,
but with regulating features. From this viewpoint, adding regulated
cascode transistor M, to a simple current-mirror output, as shown in
Fig. 7.13a, achieves the objectives sought in a current regulator. Output
current i, in this case, is now a linear translation of input current i

©
«—
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Ficure 7.13 Regulated cascode current-mirror evolution from its regulated
cascode current-source predecessor.
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with little to no Early-voltage errors because both drain-source volt-
ages are a gate-source voltage above ground:

. (14 . 1+V, .
IO — 1IN [1 n VDSAMlj — IIN [1 n VGSAMl ] ~ lIN (7'47)

DS.M2 GS.NEA

As with the circuit shown in Fig. 7.12b, however, i is only regulated
against variations in output voltage, not the matching qualities of the
mirror. As such, closed-loop output resistance R, ., is the same ampli-
fied version of open-loop cascode resistance 7, , , R, , wasin Fig. 7.12b,

except B and feedback input resistance R, arenow r, .

RO4CL = ROOL(1 +AG.OLBFB) + RI.FB

= I3 nol 1+ GraRo £a 80 n0) as o] + Tae nvo
= T3en0 (1 & nEaTas NEAS mNOTds Nvio) T Tas Nmo

= 145 N0 (& NEA s NEAS N0 Tds NMO) (7.48)

In the same vein, because the same regulating loop exists, minimum
output voltage V. remains the same at Vo .o + Vigrga
Figure 7.13b illustrates how to integrate the mirror into the feed-
back loop to reduce silicon real estate and power consumption, result-
ing in a compact current-mixed, current-sampled feedback circuit. As
it pertains to feedback, forward open-loop current gain A, or equiv-
alently i,/ (i, — iy,,) is now the product of current-voltage converter
7.oon and degenerated transconductance g /(1 + & 0/8, xuo)
Feedback factor B, (or iy, /i,) is My, -M,o Mirror ratiog, /& o
or (W/L)u/W/L) o Which means closed-loop current gain A, .,

reduces to B, or (W/L),,,/(W/L)

NMI

Tas I8 m.NO

(1_{_ gm.NO J
A =l _ Al oL _ 8mNMO
M 1+ A o B 14 JdsNmi8mno [gnLNMIJ
1+ gm_NoJ gm.NMO
8mNMO
G
- 8mnmo _ L L a0 (7.49)
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Series-sampled feedback increases open-loop output resistance R,

to closed-loop resistance R, .,

R Ry (I+A )+R

0.CL — I,OLBFB 1.FB

=Tgsno |1+

Tqs.NM18 m.NO ( & n.NMI ] + 1

8mno [\ Emnmo 8m.NMO

1+
gm.NMO

_ JasnoTds.nmi8mno _ Tds.NoTds nvi o (7.50)

2

1+ gm.NO

8mNMO

which is lower than the previous circuits’ because R, is now replaced
with 1/g .- The cost of simplicity in this case is accuracy because

the drain-source voltages of mirror M, -M,,,, do not equal:

o (14 Vs - | 1+ (Vs amo + Vasno)
fo =N (1 +Vosnmo ) = 1+ Vs amo @31)

which is why level-shifting cascode transistor M, . is included in Fig.

7.13¢, to ensure these two voltages equal:

1+V. 1+V,

. . (1+VDS NMI j . |:1+( GSNMO+VGSNO VGS.NC):|
in= IN
DS.NMO GS.NMO

1
i [Mj =iy (7.52)

1+ Vs amo

Note minimum output voltage V, OUT(m

for all three circuit versions is

similar to that of the regulated Current source shown in Fig. 7.12b at

V. +V

DS(sat) GS*

Other important metrics in a regulated current mirror include

closed-loop input resistance R

1o and minimum input voltage V

IN( mm)

The closed-loop input resistance of the nonintegrated mirror is sim-

ply M

NMI

’s diode-connected resistance 1/g, T Integrating the mirror

into the loop forces the circuit to shunt-mix 7 so its input resistance

is still similarly low at roughly 2/¢

m,NO

R . = Riou IRoss _ Tas.NmI .2 (7.53)
FEL T 1+ AL o1 B 1+ T4s NM18 m.NO (Mj &mNo
1+ gmANO gm.NMO

8m.NMO
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Low- Regulated Regulated Cascode
Basic Voltage Cascode with a | with Integrated
Mirror Cascoded | Nonintegrated Mirror and Level-
w/R, Mirror Mirror Shifting M, .
|/IN(min) VGS VGS VGS 2 VGS
|IOUT(min) VDS(sat) 2VDS(sat) VDS(sat) + VGS VDS(sat) + VGS
Accuracy | A error - - -
Ry 1/g, 1/g, 1/g, 2/g,
ROUT rds rdszgm rds3gm2 0.5 rdSng
Notes Moderate | High R, Highest R, High R
Ry and requires and high VOUT(mm)
and low requires biasing, and
accuracy | biasing high Vi rmin

TaBLe 7.1 Mirror Summary

1.5

With respect to VIN(min), the first circuit of Fig. 7.13a, where the mirror

is outside the loop, enjoys a lower minimum input voltage at V¢ .,
which is approximately half of its more integrated counterparts—
V Nmin fOr the mirror-integrated loops is Vi o + Visnor
Summary

In view of the foregoing current-mirror discussion, a comparison of
the performance of the regulated current mirrors presented in this
section against its more basic predecessors discussed in Chap. 3, sum-
marized in Table 3.2, and now revisited in Table 7.1 merits inspection.
The basic benefit of the regulated cascode circuit is to amplify the
effects of its nonregulated cascode counterpart, except integrating the
mirror into the loop decreases the gain back to its nonregulated lev-
els. Including a regulating loop around the cascode transistor also
tends to increase V..., and decreasing V.. . below its natural
level complicates the circuit, sacrificing both power and accuracy
performance. Because regulating the cascode transistor ultimately
increases quiescent power dissipation and V. doing so for the
sake of a higher R, is only worthwhile when absolutely necessary.
The basic cascode circuit is often more practical because it offers a
more balanced cost-performance tradeoff, and even then, the demand
for high output resistance is the only justifiable reason for using it.

Low-Current and Low-Dropout Enhancements
Extended operational life is undoubtedly a driving demand for a
growing number of portable, battery-powered devices such as self-
powered wireless microsensors, personal digital assistants (PDAs),
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cellular phones, palm pilots, biomedical implants, and so on. Aside
from requiring a lower dropout voltage, extending operational life also
equates to decreasing quiescent-current flow, which reduces load range,
increases response time (i.e., lowers bandwidth), worsens dc accuracy,
and deteriorates supply-ripple rejection. Not surprisingly, improving
these basic performance parameters is the subject of much attention in
the industry, especially within the context of total on-chip integration.
The following subsections therefore explore ways of enhancing the
LDO regulator circuit to better address these specific areas.

7.5.1 Power Switch

Much of the needs of the regulator emanate from the power pass
device because it not only sets the driving load range (or equivalently,
the dropout voltage) of the circuit but also presents a considerably
large parasitic capacitance that necessarily slows the response of the
feedback loop and its ability to respond to rapidly changing loads.
Increasing the driving range of the regulator without slowing the
loop amounts to boosting the gate drive of the power switch without
increase its size. Two ways of achieving this goal under similar supply
constraints are to (1) reduce the effective threshold voltage of the
device during high load-current conditions and (2) add a supplemen-
tary out-of-the-loop “slave” transistor that sources a significant fraction
of the total load, augmenting the sourcing power of the regulator
without enlarging the power device.

Bulk Boost

Although a low threshold-voltage device can source higher currents,
it also leaks more current (especially at high temperatures) during
stand-by conditions, which drains the battery and decreases its single-
charge life. Forward biasing a PMOS transistor’s source-bulk pn junc-
tion “on demand,” on the other hand, decreases the threshold voltage
of the device (e.g., | V,,|) only when needed, retaining low-leakage
characteristics at light loads and increasing overdrive (e.g., v, or
equivalently, v, — |V, |) during heavy loading conditions. The on-
demand feature is achieved by sensing output transistor M,,’s drain
current i, with a substantially smaller sense mirror transistor M, as
shown in Fig. 7.14, and forward biasing the bulk only when M, drain
current i . increases, that is to say, when a mirrored version of i
induces a voltage across bulk-driving resistor R,

Usgr = Usg — |VTP (Vsp )| o< Ipg Ry o< ipg (7.54)
Note the 1:1000 mirror-ratio gain between M,, and M, is only an
illustrative example, as this ratio can be higher or lower, depending
on the targeted application.

Driving the bulk with a gate-derived signal (i.e., v,,;) also consti-

tutes an in-phase, feed-forward ac signal path in the feedback loop of
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Ficure 7.14 Bulk-driver circuit for a low-dropout PMOS power switch.

the regulator. The feed-forward gain, however, normally remains
well below its gate-driven counterpart because bulk-source transcon-
ductance g _, is inherently lower than g and diode D, from the bulk-
driver circuit loads and consequently reduces the feed-forward gain,
which means a left-half-plane zero does not typically result. There is
also a negative-feedback loop from output v, through sensor Q,,,-Q,,
and mirror M, -M,, back to M, ’s bulk, except Q,, is degenerated
with M. and its gain is therefore substantially lower than the gain of
the regulator’s main (outer) negative-feedback loop.

Functionally, as also discussed in the buffer section of Chap. 6,
bias current sensor Q,-Q,, ensures M, and M,,,’s drain-source volt-
ages roughly equal so their mirroring ratio remains unchanged
through dropout conditions, when M, enters the triode region. Mir-
ror M, -M,, reproduces M, sense current i . and pulls it from the
bulk-driver circuit. A voltage-divided (via R,  and R;,) Schottky-diode
(i.e., D,) voltage then limits M, s forward-bias voltage well below the
emitter-base voltage required to induce the parasitic pnp BJ T attached
to M,,’s v, terminal (i.e., Q,;) to channel considerable current into
the substrate. Ultimately, as illustrated in Fig. 7.154, increasing the
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Current boost enhancement
LDO test-experimental results
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Ficure 7.15 (a) Extending load-current range and (b) reducing dropout voltage
by forward biasing the source-bulk junction of power PMOS transistor M,,.

source-bulk voltage in this way extended the load-current range of a
2000/1 PMOS power device with a 1.2-V supply and a 0.9-V threshold
voltage from 20 pA to roughly 0.5 mA. Similarly, as demonstrated in
Fig. 7.15b, applying a 490-mV source-bulk voltage reduced the 200-pA
dropout voltage from 58 to 18 mV.

Master-Slave Power Transistors

Another way of augmenting the driving capabilities of the LDO regu-
lator without increasing the size of power switch M, in the control
loop is by adding an auxiliary power device (e.g., M,,) outside the
loop with its control derived from M, . The basic idea is to introduce
a “slave” transistor whose control is unobtrusively derived from M,
and have it source additional current into v,. Slave transistor M,
therefore increases the total output current of the regulator without
presenting additional capacitance to the buffer (i.e., to v, ) in the
main feedback path, in other words, without slowing the main feed-
back path and its response time to fast load dumps.
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FiGure 7.16 v C(?
. IN
Linear master- .
slave power PMOS
. L R
transistor circuit. Ry Ry = TS

VBUF

Ipo

Linear Slave Figure 7.16 illustrates a linear embodiment of the fore-
going master-slave approach. In this case, M, (through series-mixed
negative feedback) sources a well-controlled and proportionately
larger linear translation of M,,’s drain current i . Operationally,
base-coupled differential pair Q,,-Q,, superimposes the ohmic volt-
age translation of i, across series resistor R (i.e., V¢ is i, R,) on
sourcing auxiliary resistor R, (i.e., V, is also i  R.). Because R, is A
times smaller than R and its current is consequently A times larger
(i.e. i,is Ai,), the loop gain across the negative-feedback path through
and around Q,, and M, supplies whatever gate voltage is necessary
for M, to source amplified current Ai .

Although the voltages across series resistors R, and R, necessarily
increase the effective dropout voltage of the regulator with respect to
the silicon real estate used, their impact need not be excessive, espe-
cially when using metallic resistors, which present low resistances.
This nominal loss in silicon efficiency, however, does not negate the
benefits of increased bandwidth, since now a larger device (i.e., M, -M,,
composite) only presents the capacitance of a smaller transistor (i.e.,
M,,.)- The elegance of the circuit, in fact, outside of its simplicity, rests
on how unobtrusive the circuit is to the main feedback path of the reg-
ulator. The slave-feedback loop is even self-compensating because only
one low-frequency pole exists, and that is at the gate of M,,,.

Noninear Slave The linear relationship between auxiliary current i
and loop current i, need not be linear for the master-slave approach
to work, as long as the main loop continues to regulate i, about
whatever point i establishes; in fact, i, need not even have an ac
component. In essence, supplementary power switch M, can shift
the biasing current flowing through main power transistor M,, by
sourcing a relatively large fraction of the total steady-state load with-

out presenting extra capacitance to the driving buffer at v, .. Consider
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Ficure 7.17 Nonlinear master-slave power PMOS transistor loop.

the case depicted in Fig. 7.17. Once load current I, increases above a
certain threshold (beyond which v, would otherwise decrease below
an acceptable window limit of v,..), M,, engages and sources dc cur-
rent I, into v, about which M, can now regulate, supplying only the
remaining current difference (i.e., i, is I, — I,)).

As in the linear case, the advantage of this circuit is that the regula-
tor can now source the current of two power transistors (i.e., M,,, and
M,,) at the speed and bandwidth of one (i.e., M, ). The auxiliary path
does present another negative-feedback path to v, but its ac gain is
close to zero because hysteretic comparator CMP, , latches M, on or
off, not allowing M, to change until the load experiences another
large-signal variation and v, manages to reach CMP, ’s other win-
dow limit. As a result, the circuit responds quickly (at the speed of M,,,)
in the presence of load dumps that do not require M, to switch state.
Under extreme conditions, though, when load dumps exceed M,'s
working range, M, 's response and transition time slow the circuit,
which is why CMP,  and its driving buffer must be relatively quick.
Accelerating M, s transition is especially important in portable appli-
cations where, in an effort to save energy and extend battery life, large
sections of the system may completely power up or shut down, pre-
senting in the process severe load dumps to the regulating supplies.

7.5.2 Buffer

Bulk Feedback

Driving the base or gate of a large power device at high speed with
little to no current is one of the most challenging aspects of design-
ing an LDO regulator. To this end, the basic aim of the feedback
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Ficure 7.18 Bulk Qv
feedback in source
following buffers.
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loops presented in the buffer section of Chap. 6 was to reduce the
driving impedance of emitter- and source-following buffers while
dynamically adjusting (on demand) their bias point to optimally
accommodate various load levels, in some instances using positive
feedback to further accelerate the response. Applying the feedback
signal through the bulk, in the case of bulk-isolated MOS source fol-
lowers, as generally illustrated in Fig. 7.18 with PMOS buffer M, .,
is perhaps an efficient means of decreasing the output impedance
without degrading the swinging limits of the buffer or considerably
increasing the number of transistors in the circuit. In fact, allowing
the source-bulk pnjunction to forward bias decreases M, ’s thresh-
old voltage |V, | and extends v, 's lower swing limit closer to
ground, and letting the parasitic vertical BJT attached to M, s
source (i.e.,, Q,,) enter its forward-active region helps M, . sink
even more current from the gate of the power PMOS.

Speed-Up Transistor

Perhaps a more efficient means of improving the transient response
of the buffer is to include a speed-up transistor that conducts and
channels current to the base or gate of the large power device only
during slewing conditions (on demand), when the buffer needs it
most. Speed-up transistor M, in Fig. 7.19a does just this: stay off in

VEA VEA Cscx
Vi C, \<
Mpx
V2 C2
VBIAS

©

Ficure 7.19 (a) Slew-rate speed-up transistor M, and (b) and (c) a capacitively
coupled embodiment.
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steady state, when v, is above v, and engage and pull additional
current from v, . during large positive load dumps, when the load
suddenly increases to such an extent that v,, momentarily falls below
Uyur DY at least a couple of threshold voltages. Although v,, decreases
and source-following buffer M, . shuts off in response to positive
load dumps at the bandwidth of the loop, the large parasitic capaci-
tance present at v, . slews with bias current I, ., undesirably extend-
ing the response time of the power p-type device. During severe
slew-rate conditions, however, when v, . is not fast enough to
decrease with v, and lags it by a sufficiently large voltage (e.g., M, s
threshold voltage | V., |), M,, conducts and pulls additional current
from v, the problematic node, accelerating the transition and the
overall response time of the circuit.

The only limitation of the speed-up device is the same feature
that keeps it off in steady state: its threshold voltage (i.e., V,,) and
that of the buffer transistor (i.e., V. ,)- The problemis v, (which is
normally a gate-source voltage above v, ;) must traverse through at
least two threshold voltages (to a | V.| below v, ) before engaging
M,,,. This means that, for M, to help, the load dump must be large
and fast enough to induce error amplifier A, to swing v, two thresh-
old voltages (i.e., | V., | + V., s at least. Replacing the buffer tran-
sistor with a natural NFET decreases this voltage by one threshold
voltage, given V_, ;. is near 0 V, but considering bulk effect, v,, must
nonetheless swing approximately 200400 mV beyond one |V_,. |
for M, to conduct current. Further reductions in this voltage excur-
sion call for lower | V.| values, which is where more expensive pro-
cess technologies whose mask-set composition accommodates such
devices claim superiority.

Another way of decreasing | V.| is through the bulk effect, by
forward biasing M, s source-bulk terminals. The drawback to this
approach is ensuring the forward-bias voltage is nowhere near the
voltage necessary to induce the parasitic vertical BJT attached to
M,,’s source to conduct ground current, which would otherwise dis-
sipate unnecessary quiescent power. Pre-biasing M,,’s source-gate
voltage v, , to half its threshold-voltage point and subsequently cou-
pling v,, into its gate capacitively, as generally shown in Fig. 7.19b
and ¢, achieves a similar result without the danger of inadvertently
engaging a parasitic BJT. The idea is to precharge M,, s gate-source
capacitance C., with either a switched-capacitor network or a float-
ing-gate input, where the gate voltage in the latter is a divider combi-
nation of its inputs:

0, Zcy 0Zo  _ vC ,Cy

Yex = Zey+Zey ZoytZe, C+C C+G, (7.55)

and capacitors C, and C, are considerably larger than C, , . The challenges
with the floating-gate tactic are (1) generating a v, that consistently
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keeps v, atroughly 05|V, | insteady state and (2) ensuring the initial
charge on the gate (before applying v,, and v, ) is zero.

BIAS)
7.5.3 Error Amplifier

One of the challenges associated with feedback error amplifier A, is
the impact limited gain has on accuracy (i.e., load and line regulation)
and power-supply rejection. The problem is substantially low quies-
cent currents restrain parasitic poles to relatively low frequencies
because the 1/g  resistances they define rarely fall below 20-30 kQ.
Consider, for example, 1/g, fora5/1-pm/pm MOSFET running 0.5 pA
with a transconductance parameter of 100 pA/V?is roughly 45 kQ and
the pole 1/g, produces when confronted with 0.5 pF is g /2rnC or
approximately 7 MHz, which means unity-gain frequency f,,, must
necessarily fall below 1 MHz. As a result, A.,’s gain in the presence of
in-band equivalent-series-resistor (ESR) zero z_., and its accompany-
ing bypass pole p,, as graphically demonstrated by the basic system’s
response in Fig. 7.20, must not exceed 40-50 dB to ensure f ,, remains
well below the parasitic-pole region (i.e., well below 5-10 MHz).

Another way to view the problem is through the impact z,, and
p; have on the falling rate of the loop gain. Because the zero precedes
the pole, the pair, as whole, decelerates the loop gain’s fall with
respect to frequency, requiring a wider band of frequencies for the
gain to reach 0 dB. One method of increasing this falling rate (and
increasing the allowable low-frequency gain when constrained to a
limited f, ) without compromising the stability of the system is to
introduce a pole-zero pair well below f, ., as depicted by p, and z, in
Fig. 7.20. The idea is for p, to accelerate the fall and z, to recover the
phase lost to p, before reaching f, .. The main challenge with this
approach is z,,, and p, are not well controlled, which means f,  varies
significantly across temperature, operating conditions, and process
corners and sufficient design margin must therefore exist to accom-
modate all possible values of f, ..

Considering power is a precious commodity, leveraging the cir-
cuit that already exists to introduce the aforementioned pole-zero

Ficure 7.20

The effect of
introducing in-band
pole-zero pair p,-z,
into the system.
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combination is ideal. In an externally compensated LDO regulator,
for instance, A,,’s output normally constitutes a parasitic pole in the
system (i.e., p, or p, in Fig. 7.20) that could easily pose as the pole
sought (i.e., p,) because the resistance at v, is naturally high (at R, ).
Trailing a zero past p, amounts to feed-forwarding in-phase ac signals
to v, or around v, to v, or shaping v,,’s impedance.

Figure 7.21 illustrates two embodiments of what might decep-
tively look like feed-forward zeros but in practice are impedance-
shaping zeros. Although zero capacitor C, feeds forward in-phase ac
signals from differential-pair node v, and around cascode Q_ to v,, in
Fig. 7.21a (and from mirror node v,, and around mirror M, ,, to v, in
Fig. 7.21b), C,’s displacement current does not usually supersede its
counterpart (i.e.,, Q_'s collector and M,,,,’s drain current) so no zero
results. As it happens, Q. and M,,,,’s currents decrease when their
respective base-emitter/source-gate terminal capacitors short, which
happens at relatively high frequencies. As a result, the zero C, intro-
duces appears because, while C, decreases the impedance at v,, past
Py the series resistance that remains when C, is a short circuit (i.e., R,
in series with Q_'s emitter or diode-connected M, ,’s resistance) is
frequency independentat R, +1/g_ .orR, +1/g . where

1 C Ry +R, 4 =Ry, (7.56)
CZ ~ 1 gnz
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Ficure 7.21 Integrating pole-zero pairs into the error amplifier.
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and

1

c —R,+— (7.57)

~ 1 8m

zx~ I
Zn(RZJr—jCZ

8m

which means R, + 1/g, in z, offsets p,’s effect on the phase response
of the circuit. Note the purpose of R, is to increase design flexibility
in1/g and better adjust z,’s placement.

7.5.4 System

Load Regulation

An alternative to increasing loop gain (which would otherwise com-
promise phase margin) for the sake of dc accuracy is to shift steady-
state output V with just enough voltage to cancel the effects of
steady-state changes in output load current I . Since load regulation
is a manifestation of the regulator’s effective closed-loop output resis-
tance R,, which in turn depends on loop gain (and systematic
input-referred offset performance), I o, reduces V by roughly I R, -,
so the goal would be to increase V , by the same amount I reduces it.
One way of achieving this shift, while taking advantage of current-
sensing transistor M, that buffer A, . (from Chap. 6), bulk-boosted
power transistor M, (from earlier in this chapter), and the over-
current protection (OCP) circuit (from later in Chap. 8) share, is to
insert a series 50-300 Q resistor R between the regulator’s ground
terminal (now V) and ground, as shown in Fig. 7.22. Because quies-
cent current I, is low during light loading conditions (at maybe less
than 5-10 pA) and M, raises [ oas I, increases, R ,;'s ohmic drop and,
in consequence, a fraction of V also increase with I ;:

Vo = Vrer =~ IoRo .o + Vos = Vrer = IoRo o + 1gRos
I R
= Veer —LoRo L + vos = Ver (7.58)

Ros=ARp cL

Equating R to AR, where A is the mirror-gain ratio between M,
and M,,, cancels the load-regulation effects of the feedback loop, reduc-
ing V to V.. without any I effects. Note sensor Q,,-Q,,, as in Chap. 6,
ensures the mirroring accuracy between M, and M, is acceptable
during dropout conditions (by equating their respective drain-source
voltages) and C_ shunts displacement current to ground to mitigate
the impact transient variations in I, produce on v, through R .

The key advantage of the circuit presented in Fig. 7.22, outside of
improving dc accuracy, is low impact. First, R  requires a negligible
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Ficure 7.22 Offsetting gain-dependent load-regulation drop / R, . in output

v, with load-dependent shift Vg or I R /A through what amounts to a floating
ground terminal.

amount of silicon real estate. Second, which is arguably more impor-
tant, R has little to no impact on power efficiency because (1) I,
already increases with I, and (2) efficiency, in spite of this increase,
remains high throughout the entire load range. Third, R has no
noticeable effects on frequency response and the phase margin that
results because the ac signals R, introduces are common mode with
respect to the entire circuit; that is, as V, shifts, so do all signals in
A, and Ay . Figure 7.23a and b demonstrates how the load-enhancing
resistor (i.e., R ), while having inconsequential effects on frequency
response, decreases load-dependent variations in V, from 55 mV to
less than 5 mV.

From a practical standpoint, matching and tracking R . to AR,
is difficult. The least costly approach with respect to power and test
time is to “match” them nominally, that is to say, to size R  to cancel
the systematic effects of R, and accept the tolerance and random
variations that result, reducing, for example, a 50-60-mV drop down
to +10-15 mV. Increasing test time and silicon area to include two or
three bits of trim for R is another alternative, reducing the load-
regulation variation to maybe less than +5 mV.

The biggest disadvantage of this entire method is it requires a
dedicated reference V., since shifting V.. with V . does not serve

REF REF
the needs of other analog circuits in the system that require an
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Ficure 7.23 (a) Frequency and (b) load-regulation measurements of an LDO
regulator with and without load-enhancing resistor R .

accurate reference. Zero-load quiescent current I, also produces a
systematic offset across R, and in V that may be on the order of
0.5-2 mV so not only should V,.'s trimming procedure account for
this variation but I, should also be low to begin with. Floating the
ground of the reference-setting components alone, as shown in
Fig. 7.24, effectively decreases the fraction of I, that flows through
R.s and the systematic zero-load offset I, generates. The only
shortcoming here is variations in v are no longer common mode
to the circuitand A,,, Ay, M, Q,,, R-Cie and V.. now constitute
a positive-feedback path. Fortunately, the positive-feedback gain is
considerably lower than that of its negative-feedback counterpart

so its impact is normally manageable.

Transient Response
In light of all the stability complexities and issues surrounding
the linear regulator, looking outside the loop to improve transient

331



338

System Design

Chapter Seven

Agur
M,
VREFE | Mpg Lo
AW
w

Vin
|
|

%

LDO Or1 —21{ Opm

Vos C Q
0s l B T
Iy & C
Ficure 7.24 Integrating load compensating offset voltage v, into the

regulator while decreasing the parasitic impact its zero-load quiescent-
current flow has on accuracy.

Ilp

response offers inherent value. Appending a local high-bandwidth
shunt-feedback loop to output v, for instance, as generally illustrated
in Fig. 7.25a, improves transient response because the faster local-
feedback network responds quicker to changes in load than the more
complicated regulator loop. To ensure the additional loop has negli-
gible effects on dc accuracy, however, its low-frequency gain must be
kept well below that of the regulator so that the main loop continues
to enjoy control over v, at low to moderate frequencies. The addi-
tional loop should also demand little to no current, if possible, to
mitigate its negative impact on the operational life battery-powered
systems achieve.

Generally, under similar current-density constraints, more devices
in a feedback loop necessarily decrease the overall bandwidth of the
circuit because each device introduces additional energy-shunting
nodes to the ac signal path, which is why compactness and speed go
hand in hand. As a result, the fastest possible loop, from an architec-
tural point of view, is the one already present in a transistor, as in a
common-drain/collector or common-gate/base configuration. As it
applies to the local-feedback loop in question, Fig. 7.25b shows illustra-
tive embodiments of how to bias and append these single-transistor
loops to v,. Source current i, for example, automatically increases
when v, decreases in response to positive load dumps, when load cur-
rent suddenly rises, because Q, ,’s base-emitter voltage v, . increases
immediately with reductions in v,,. This is possible because, while bias
current I, and diode-connected Q,, establish Q, . ’s bias base voltage

Vy, with respect to v, R,, and C; suppress ac variations emanating
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Ficure 7.25 (a) Local shunt-feedback loops and (b) single-transistor
embodiments aimed at improving the transient-response performance of an
LDO regulator.

from v,. In other words, C,, for all practical purposes, fixes V,
against ground so transient changes in v, and coupled variations in
v, have little effects on V, . and maximum impact on v, .

As is often the case in design, the circuit presented in Fig. 7.25b
also poses some challenges. Increasing Q, s transient efficacy, for
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example, amounts to increasing its emitter area (i.e., increasing its
output current capabilities), which means either the mirror gain
between Q,, and Q,, increases and Q,, sources a larger dc biasing
current into v, (i.e., lower efficiency) or the silicon area they require
doubles with respect to the larger Q, . (i.e., higher cost). What is more,
the voltage across I, and Q,, when using a conventional current
source, is roughly 0.7-1.1 V across process and temperature, which
negates the low-dropout features of an LDO regulator; in practice, I,
is a charge pump.

Transistor Q, and its associated biasing network complement
Q,.’s circuitry, sinking additional transient current i_ from v, during
negative load-dump conditions: in response to quick reductions in
load current. However, in applications demanding output voltages
exceeding 1.2 V (roughly), I, need not be a charge pump because v,
is sufficiently high to accommodate the voltage drop across the out-
put of a conventional current mirror. Filter capacitors C, and C,, are
both attached to ground because connecting either of them to v
would otherwise inject supply ripple into v, through the voltage-
following configurations Q. and Q, comprise.

Power-Supply Rejection

When compared to switching power supplies, linear regulators are
lossy because they conduct the full dc load across the power pass
device (i.e., M,,,), which means the ohmic conduction loss dissipated
in M, is at least (V- V) .- They nevertheless continue to be
essential in, for example, among other applications, battery-powered
environments, where power losses are critical, because (1) they do
not inject switching noise and (2) they suppress noise already present
in the supply. As a result, designers often use a switching regulator to
strategically drop or boost the input supply “efficiently” and subse-
quently cascade an LDO regulator to “reject the noise” the switcher
injects.

The challenge in using an on-chip LDO regulator for this purpose
is the absence of large off-chip capacitors (which shunt noise and help
compensate the negative-feedback loop) because smaller capacitors
increase the sensitivity of the circuit to noise in the 0.1-10 MHz range,
where dc-dc converters normally switch. The fundamental problem
is the dominant low-frequency pole in internally compensated regu-
lators normally resides inside the circuit, away from the output, so
the loop tends to exhaust its transconductance gain near 100 kHz
(as discussed in Chap. 5), beyond which point power-supply rejec-
tion (PSR) is most critical. A series RC low-pass filter, as shown in
Fig. 7.26a, with a corner frequency of roughly 10-100 kHz helps
attenuate noise in the region of interest, except filter resistor R, is in
the power path and consequently incurs considerable ohmic losses.
Increasing the filter capacitance, incidentally, to compensate for
acceptably lower resistance values (with respect to power losses) is
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FiGure 7.26
Increasing power-
supply rejection
(PSR) by passively
and actively
filtering the input
supply with series
(a) RC networks
and (b) other LDO
regulators.

(b)

not feasible with small on-chip capacitors. Alternatively, preregulat-
ing the supply with another regulator, as LDO,,, exemplifies in
Fig. 7.26b, further suppresses supply noise, but again, only up to
100 kHz, not where rejection is most needed. What is more, as in the
RC case, LDO,,,’s power device M, is also in the power path so
dropout voltage and ohmic losses degrade.

Another way of improving PSR, from a conceptual perspective, is
by increasing the series impedance between input supply v, and out-
putv,, since a voltage-divider network between v, and v, ultimately
prescribes how supply gain A behaves across frequency (as dis-
cussed in Chap. 5). Inserting a series cascode transistor, for example,
as MNC portrays in Fig. 7.27, attenuates A and increases PSR, except
M, is in the power path so dropout voltage and ohmic losses also
increase. Neglecting M, .'s power loss, for the moment, M, also
injects whatever noise is present at its gate to the LDO circuit, which
is why a series low-pass RC network filters the gate. Note that setting
10-100 kHz RC corner frequencies is feasible in this setup because

|
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FiGure 7.27
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resistor R, no longer has to subscribe to stringent size restrictions,
now that R, is not in the power path, so a 250-kQ-25-pF filter, just to
cite an example, which produces a 26-kHz corner frequency, is viable
and practical.

Going back to power losses, M. should not sustain drain-
source voltages below its saturation level of V., because M, 's
drain-source resistance would otherwise decrease to the point M.
no longer offers any advantages with respect to PSR. Even if the
power loss associated with V., were acceptable, biasing the
device just above saturation requires a gate-bias voltage that
exceeds the supply, which is why a practical implementation of this
circuit uses a charge pump to bias M .. Note the switching fre-
quency of the charge pump should remain well above the filter’s
corner frequency to ensure none of its switching noise and related
harmonics reach M, s gate. M| 's gate voltage should also be high
enough to account for bulk effects, if any, and the large load current
it conducts. For reference, Fig. 7.28 illustrates the chip photograph
and supply-gain measurements of a 0.5-pm CMOS LDO regulator
with and without a cascode and its corresponding 3 kHz low-pass
RC filter biased from a 10-MHz charge pump with 100 mV, of rip-
ple. The results show the charge-pumped cascode decreases A
(and increases PSR) by approximately 30 dB across the entire fre-
quency band tested.



System Design

System Design

PSR Improvement in LDO

o P!
Y

30 4B g

0 arOnenan 0"'\!'\';‘: ----- 01/8/0+Q ZI

g 40 s

= —T——— I

< 250 —+— PSR w/o cascode

---%-- - PSR from path ‘b’
07—~ &---- PSR from path ‘a’
-70 = —&— PSR of system
K| |- -o---- PSR REF

-80 X —--e--— PSR RC
90 < : :

1E+02  1E+03  1E+04 1E+05 1E+06  1E+07 1E+08
Frequency [Hz]

(b)

Ficure 7.28 (a) Chip photograph and (b) supply-gain measurements of a
0.5-ym CMOS LDO regulator with and without a cascode biased through a
3-kHz RC filter from a 10-MHz charge pump with 100 mV,, of ripple.

7.6

Summary

The underlying aim of this chapter was to illustrate how to assemble
the integrated circuits developed in Chap. 6 into a working system
that addresses the overall design objectives described in Chap. 1. To
this end, developing and applying a robust and efficient compensa-
tion strategy to ensure the circuit is stable across all operating condi-
tions is one of the first and most important steps in this part of the
design process. The basic strategy is to ensure only one dominant
low-frequency pole exists, only one secondary pole resides near
unity-gain frequency f, ., and all other parasitic poles and right-
half-plane zeros land a decade past f, . Left-half-plane zeros then
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help extend f, , slightly by mitigating the avalanching effects several
poles have on phase margin. Ultimately, however, even after optimi-
zation, low-power constraints (through their impact on 1/g, resis-
tances) limit the overall bandwidth of the system (i.e., f, ), which
means off- or on-chip capacitors must source and sink load dumps
whose rising and falling rates exceed the speed of the regulator.

The reference is another consideration, and although regulators
often rely on external reference circuits, incorporating the workings
of V.. into the feedback loop is not uncommon, especially in stand-
alone applications and segmented, power-aware environments. The
first step in this process is to integrate the proportional-to-absolute-
temperature (PTAT) current generator into the feedback loop, ensur-
ing the positive-feedback path it presents has lower gain than the
negative counterpart does. Additionally, a start-up circuit must
guarantee the reference reaches its desired state, even when initially
latched otherwise. Achieving temperature independence then amounts
to introducing a complementary-to-absolute-temperature (CTAT)
component—this typically appears in the form of a series diode voltage.
Decreasing the temperature dependence beyond this point is often not
worth the trouble because the random piezoelectric effects of the fillers
in the plastic package on the circuit overwhelm most second-order
variations in the reference. Nevertheless, decreasing the temperature
coefficient below first-order levels is best achieved by exploiting the
second-order components inherent to the circuit, such as differences in
supposedly matched collector-emitter or drain-source voltages.

The importance of dropout, power, speed, accuracy, and power-
supply rejection (PSR) in linear regulators cannot be understated,
which is why developing performance-enhancing circuit strategies
enjoys so much attention in industry and research circles. However,
while improving and complicating a circuit tend to go hand in hand,
increasing circuit complexity often slows the circuit, demands more
power, requires more silicon area, and increases risk. The trick in
designing robust and elegant solutions is to find efficient means of
exploiting and leveraging the transistors and devices that already
exist in the circuit, limiting the extent risk and tradeoffs plague the
design. Driving the bulk of a power MOS switch, for instance, may
increase its effective gate drive but not without increasing the pro-
pensity for parasitic BJTs to conduct current. Any attempt at increas-
ing PSR, just to cite another example, also tends to increase quiescent
power in the form of dropout. Nevertheless, finding a sensible and
optimal balance between conflicting specifications, design objectives,
and complexity is possible, especially when understanding the appli-
cation and how the regulator affects it.

In general, designing linear regulator ICs is the art of using semi-
conductor technologies (from Chap. 2) to build circuits (like those in
Chaps. 3 and 6) that regulate and condition energy and power (as pre-
scribed in Chaps. 4 and 5) according to the system demands driving
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state-of-the-art applications impose (as described in Chaps. 1 and 7).
Understanding the application and the constituent technologies that
drive the design is extremely important in this process, especially
when attempting to extend battery life and improve regulating perfor-
mance. To this end, this chapter in many ways concludes the discus-
sion on the design of linear regulator ICs, since the textbook has, at
this point, presented almost all the expertise necessary to design one.
The only aspects left to discuss are circuit protection (as in thermal,
overcurrent, etc.) and testing, which the next chapter briefly addresses.
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8.1

Source: Analog IC Design with Low-Dropout Regulators

CHAPTER 8

IC Protection and
Characterization

ear regulator and designing an integrated circuit (IC) that

aims to fulfill those goals (Chaps. 1-7) are intrinsic and
involved, neglecting to protect the regulator against damaging (and
often catastrophic), unintended (but nonetheless realistic) events ren-
ders the IC ineffectual and the system it supports inoperable and sus-
ceptible to more injurious conditions. In preventing these ill-fated
circumstances, the first line of defense is to protect the IC against such
undesired, yet realistic conditions at the circuit level, considering the
power levels involved are relatively high and consequently prone to
surpass the operating and breakdown limits of the regulator. The sec-
ond step in this process, after fabrication, is to comprehend the oper-
ating and performance limits of the IC and avoid overloading it with
systems whose operating and power demands exceed its specified
capabilities. Ascertaining these constrains experimentally is impor-
tant because the three-sigma (i.e., 306) semiconductor models used to
predict the performance of the IC are imperfect (relative to real-life
die-to-die, lot-to-lot, and performance-over-time variations) and
incomplete (because they lack many of the parasitic devices present in
the IC). To make matters worse, simulations often exclude systematic
and random parasitic effects such as substrate-noise coupling, random
mismatches in supposedly matched transistors, hot spots and thermal
gradients across the die, and others. So, in harmony with the design
approach thus far presented in the textbook and the product- and
prototype-development cycle it seeks to support, this chapter discusses
circuit protection (as considered and addressed before fabrication)
and characterization (once the IC is fabricated).

ﬁ Ithough understanding the performance objectives of a lin-

Circuit Protection

In basic terms, the purpose of on-chip circuit protection is to avoid
exposing any part of the IC to conditions that surpass its breakdown
limits. Bearing in mind power pass transistor S, conducts all the load
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current, S is most likely to exceed its safe-operating area (SOA), which
means the IC must prevent S_ from reaching maximum rated limit

SO(max)” It is no surprise, then, that overcurrent protection and thermal
shutdown features are popular in regulator ICs. Similarly, reverse-battery
and electrostatic-discharge (ESD) protection are also important and
therefore included in most, if not all, of today’s systems.

Protection, however, should not risk or interfere with the function-
ality or performance of the regulator so it should not only prove reliable
but also remain off and “transparent” during normal operating conditions,
and engage only when needed, on demand. Transparency, among
other things, also implies drawing little to no quiescent current from
the supply, which is why trip-point accuracy for these functions is nor-
mally poor. Fortuitously, because regulation and power performance
sells more than protection (especially in the battery-powered segment),
regulator ICs are often overdesigned (with respect to Py, ) for the
sake of output accuracy and efficiency, which means margin exists to
accommodate for variations in the protection trip points. Margin is
also important to avoid inadvertent transient glitches in the system, and
deglitch filter functions help in that regard.

8.1.1 Overcurrent Protection

Fixed Overcurrent Protection

Overcurrent protection (OCP), whose aim is to protect S, is another
term for short-circuit and overload circuit protection. Its objective is to
keep the power dissipated across S_ below its maximum-rated limit
of P

SO(max) :

Pso =Vsolso = (Viy =V,

ouT <P Vind

Mour = Fsomax =Vinlsogma) (8.1)
where V  is the maximum voltage applied to S, during short-circuit
conditions, when V  is 0 V and S, is exposed to the entire supply.
Note Pso(max) also accounts for worst-case temperature conditions so it
includes the effects of high ambient temperature T, (e.g., 125°C) and
the resulting (and even higher) junction temperature T (e.g., 130°C)—
how much higher T, is over T, depends on the power dissipated
across S, and the package’s thermal impedance 6,. Considering the
accuracy of OCP limit I, is relatively poor (because quiescent cur-
rent must remain low for high power efficiency), the nominal value of

its worst-case implied power P , falls below Py,

OCP(max max)”
Pocpmax) =Vsomaxlocr < VeomaxIsomax) =Fsogmax (8.2)

as shown in Fig. 8.1a, where V., . refers to the regulator’s target out-

put voltage and the regulator limits I, to I, during overload and

short-circuit conditions. Similarly, maximum allowable output current

IOUT(maX) must remain below I, to accommodate for I, variations,
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Ficure 8.1 Fixed overcurrent protection (a) V, -/, transfer function and
(b) sample PMOS-switch circuit embodiment.

which ultimately means the maximum specified power S can deliver
(i-€.; Poyypnay) 1S considerably below its maximum rating of P,

SO(max):
5 OUT(max) _ I OUT(max) (VIN - VQTAR)
Fsoma Lsomax)Vin
_ IOUT(max) [1_ VO.TAR] < Tocp (1_ VQTAR] (8.3)
ISO(max) VIN ISO(max) VIN

Figure 8.1b illustrates a sample circuit embodiment of the fixed OCP
graph shown in Fig. 8.1a. Current sensor PMOS transistor M, senses
and sources a linear fraction of output PMOS device M,,’s current
Iy, Gee., Ipgis I,/ A). Sensor B]Ts Q,, and Q,, as in the buffers dis-
cussed in Chap. 6, impress M,,’s drain-source voltage across M, to
ensure both devices remain in similar regions of operation (for higher

mirror accuracy). As a result, when I . approaches I,/ A, I s raises
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control voltage v.and M
from V. When I

nocp Starts pulling switching node v, down
wps Ne€ars I.../A, digital hysteretic inverter I
switches and causes M, ., to pull buffer node v, closer to V|, shut-
ting off M, in the process. In the case I Loap Temains at I, M, may
continue to engage and disengage about the I, threshold, if short-
circuit conditions persist, with a frequency that is dependent on the
time constant associated with the OCP loop and on the hysteresis in
the inverter, which is why adding hysteresis to I, is important, to
avoid oscillations. Filter capacitor C,, besides decreasing this fre-
quency, prevents extraneous noise in v from inadvertently engaging

M, and causing false alarms and glitches in the system.

BUF

NOCP

Fold-Back Overcurrent Protection

In the portable space, over-designing the linear regulator to source
less power than it can actually handle (i.e., P, is considerably less
than Py, ) is often a natural by-product of the dropout specifica-
tion, which forces the size of the power device to be larger than its
power rating demands. Many higher power applications, however,
do not enjoy this providential circumstance, which is where fold-back
current limiting finds a niche. The problem with a fixed OCP limit is
the V_, voltage that sets P when operating normally (i.e., V is

O(max)

Vin = Vorare Which can be 300 mV) can be vastly smaller than the one
defining P, during short-circuit conditions (when V, is V ,

which can be 6 V). One way to extend Po(max), as shown in Fig. 8.24, is
toallow I our tO push S closer to Pso(max) during normal operation and,
once overloaded past prescribed initial OCP limit I, ., decrease
(i.e., fold back) I, with reductions in V, as V. decreases and the IC
reaches short-circuit conditions. In other words, the driving objective
in folding back the OCP limit is to keep S ,’s power P approximately
constant across the entire overload range. In practice, P , should

precede P , because of possible variations in

OUT(max;

(Fig. 8.2a), as

OCP(max; OCP
before; but even then, POUT(maX) is now considerably higher and closer
to Ps.o(max) when compared against its fixed counterpart, as I,y
also is with respect to I, :
POUT(max) _ POCP(max) B AIOCP‘/SO(max) IOCPVSO(max)
= <
P, SO(max) I SO(max) I SO(max)VSO(max)
Iocp
=7 <1 (8.4)
SO(max)
Where AIOCPVSO(maX), or equi\{al.ently{ AP, is the power margin
included to accommodate variations in I ..

To implement a fold-back limiter, the OCP circuit must sense both
ioyr and o, to assel.'t ocCr when IQUT first reaches 1_n1tlz.il limit IOCP(M)
and decrease I, with reductions in v, as the circuit approaches

short-circuit conditions. Unfortunately, relative to fixed current
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Ficure 8.2 Poutmax) = TouTmay (Vin— Vrar) ~ Pocp(max)
Fold-back

overcurrent

protection Vo.TAR

(@) Viyrly,s transfer I

function and Pocpmax) = locpViN
(b) sample circuit
embodiment.

Tocp(in)

Vour

1 Psomax) = Iso(max) VN

N\ |
PaY
0 IOUIT s Iour
Tocp(in) (max)

I SO(max)

(a)

(b)

limiting, sensing v, represents an additional complexity that may
add quiescent current, dropout voltage, risk, silicon area, and/or cost.
Nevertheless, one way to sense both i, and v, simultaneously is to
monitor the voltage across a series resistor R, in the output path of the
regulator with respect to ground (via a pair of resistive voltage divid-
ers), as illustrated in Fig. 8.2b. As shown, OCP engages when amplifier
Agep's input differential voltage v, — v, exceeds 0 V; otherwise, A
attempts (in vain) to pull current from blocking diode D ...

By setting top resistor divider R,-R,,’s gain K, to be lower than
R, -R,,’s gain K, (i.e., K, is less than K,) and using resistor values that
substantially exceed R, v,, (which is initially higher than v, at light
loads) decreases faster (i.e., with a higher gain) than v, in response to

arising i, (i.e., increasing v,); that is,

P

ouT
0p = Oy = (Voyr + IourRe)Kr = 0y Ky

= Oour(Ky = Kp) + IorR Ky (8.5)
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and

I I KB - KT

= =7, _—

ocr = fouTly,y, = Your| TR K (8.6)
As a result, when v,, decreases past v, (i.e., v, — v, exceeds 0 V), OCP
engages and the loop A, creates regulates I, to I, and as v,
decreases, so does I, Note the loop is analog in nature and must there-
fore remain stable. In practice, A ., may share some of its transistors
with regulator buffer A, . and/or error amplifier A,,. Note, as before,
including some hysteresis in the OCP trip point mitigates the circuit’s
propensity to oscillations when I, is just at OCP limit (i.e., when I,

equals [

T
CP)'

8.1.2 Thermal Shutdown

Junction temperature T], as it turns out, is sometimes an indirect mea-
sure of i, because, barring the existence of other supplies on the
chip, T, increases with the power dissipated in the regulator (i.e., P
almost all of which is concentrated in P:

REG) 4

T] =T+ Pepc0p =T, + P60, =T, +151Vso0, (8.7)

where as before, 6, is the thermal impedance the package. As a result,
when considering the regulator on its own, thermal shutdown and the
OCP function protect the IC from the same stressing conditions, which
is why implementing both functions on a stand-alone linear regulator
can be redundant. With multiple regulators and power devices on the
same die, however, the situation changes because hot spots and ther-
mal time constants de-correlate T, from a regulator’s i .

Because S, is often overdesigned (with respect to power) to meet
low-dropout specifications, the purpose of thermal protection is not
always to protect S, but to keep the package from melting, as is typi-
cally the case in portable applications. Therefore, since the melting
point of plastic packages T, is near 170°C, thermal trip point T, .
must fall below T, by a margin, to maybe 150°C, considering, as with
Icps low-cost requirements such as low quiescent current, limited
silicon real estate, short test time, and others induce inaccuracies and
variations in T, ;. Similar to the OCP case, thermal shutdown should
include hysteresis around T, ,, to prevent the circuit from oscillating
uncontrollably about T, In practical terms, hysteresis window
T, around T, . means the circuit trips at T, , but recovers only

SHUT*
X ] SHUT
when T, falls below T, . by Ty, (i-e., T)is T T

Perhaps the most practical a\r(fd predictablseHI;rTleangY(S)f establishing a
temperature trip point is to sense when a proportional-to-absolute tem-
perature (PTAT) voltage V., which is well-modeled and stable,
decreases past its increasing complementary-to-absolute temperature

(CTAT) counterpart V.., which is simply a base-emitter voltage V,, or

TAT/
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Ficure 8.3 Thermal shutdown (a) trip-point graph and (b) sample circuit
embodiment.

()

adiode voltage V, as depicted and implemented in Fig. 8.3. With respect
to the sample circuit embodiment shown in Fig. 8.3b, while operating
within the specified temperature range, v, ;. is low and its complement
is high so M, shorts hysteresis resistor R, and sensing PTAT voltage
Uppap 18 Only the voltage across R, Once v, is sufficiently high to
induce Q, ., to sink bias current I, and pull v, past the digital buffer’s
threshold, shutdown asserts (i.e., v, rises and v, . falls) and M,, shuts
off. Allowing I, to flow through R, . increases v,,,, and pushes the
circuit further into its shutdown regime so, when temperature again
decreases, R, ;s voltage must decrease below its assertion level to dis-
engage the circuit, establishing the desired T, .. Filter capacitors C,, and
C,,, as in OCP, prevent (i.e., deglitch) extraneous noise signals injected
and v, from inadvertently asserting shutdown.

into Uprar
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8.1.3 Reverse-Battery Protection

The purpose of reverse-battery protection, as the name implies, is to
shield the regulator from the effects of sustained reverse-battery con-
ditions. The most efficient method of achieving this objective (with
respect to quiescent current, silicon area, and electrical interference in
the form of noise and undesired voltage drops) is to altogether avoid
the condition by, for example, “keying” the battery holder with plastic
guards and/or guides so the battery can only fit when properly oriented.
This kind of protection is possible and popular in many lithium-ion
(Li-Ion) applications such as cellular phones, portable digital assistants
(PDAs), palm pilots, MP3 players, and the like. Coin cells, unfortu-
nately, are difficult to key so they often include protection in the electri-
cal domain, which usually degrades some of the device’s electrical
performance.

As in OCP and thermal shutdown, electrical reverse-battery pro-
tection should remain off and “transparent” (but alert) during nor-
mal operating conditions, and assert only when needed on demand.
Transparency, as before, implies quiescent current i, series voltage
drops in the supplies v,, and reverse current i, should all be zero, or
at least near zero. Note that to sustain these extreme adverse condi-
tions for any length of time, the semiconductor devices confronting
those conditions must be capable of handling high power and/or
high electric fields. These devices must therefore be large and heavily
guard-ringed, much like power pass transistor S, and consist of tran-
sistors and diodes whose breakdown voltages are high, such as is the
case with devices built with low doping-density junctions.

Functionally, reverse-battery protection either shunts current
away from the regulator circuit or blocks it. Shunting current with a
diode, for instance, as shown in Fig. 8.44, protects the regulator, but does
so at the expense of reverse-battery current i,, which can quickly drain
the battery. Blocking current, as a result, is better with respect to battery
life, but not forward efficiency, as blocking often introduces a series
voltage v, in one of the supplies during normal operating conditions,

+ VSD7

+ Vg — Series Series

Gi Circuits j)

Shunt Series Series —Vcg+ Series
—Vps +

(a) (b) (© (C)) (e) ®

Ficure 8.4 (a) Shunt diode, (b) series diode, (c) PNP BJT, (d) NPN BJT,
(e) PMOSFET, and (f) NMOSFET reverse-battery protection circuits.
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which dissipates power (although not as much as shunt protection
during reverse-battery conditions) and decreases the effective supply
to the circuit (i.e., decreases v, ), adversely impacting headroom
performance.

A series diode, for example, blocks reverse-battery current (as in
Fig. 8.4b) but introduces diode voltage v, in series with battery volt-
age V.. Series transistors, as illustrated in Fig. 8.4c through f, are
better blockers because their respective series voltages (i.e., v, or
Upe'S) are lower, especially n-type transistors, since n-type mobility u,
is normally 2-3 times higher than its p-type counterpart. BJTs, how-
ever, dissipate quiescent base current I, whereas MOSFETs normally
require more silicon area. (Note MOSFET bulks are tied to their
respective drains to ensure the parasitic body diode that remains is
off in reverse-bias conditions during reverse-battery events.) Ulti-
mately, irrespective of the means, unless mechanical restraints are
possible, avoiding parasitic reverse current i,, series voltage v,, and/
or quiescent current i, is difficult.

8.1.4 Electrostatic-Discharge Protection

Electrostatic discharges (ESD) are not entirely unlike reverse-battery
conditions, except the former are short lived, occur in both directions,
and the voltages involved are substantially higher. Most ESD strikes
result from one of three basic mechanisms. The first and most obvi-
ous source is the human touch, after generating static charge by walk-
ing across a carpet, for example, which is modeled by what is termed
the human-body model (HBM). Similarly, although from a different
source, the machine model (MM) mimics the charge transferred to the
IC when machines handle the chips during the bundling and ship-
ping processes. Finally, the charged-device model (CDM) describes the
electrical conditions that result when a precharged chip, after sliding
down its plastic container (i.e., tube), touches chassis ground. Note
the common thread in all these conditions is the sudden release of
charge, which is why precharged picofarad capacitors with initial
voltages ranging from 250 V to 5 kV and various series resistances
emulate these undesired but realistic events.

The performance of ESD circuits is strongly dependent on device
layout and process technology, and predicting the extent to which
they protect the IC is largely empirical. ESD structures, as a result,
vary significantly across process, the junctions and polysilicon mate-
rials they protect, and even semiconductor companies. What is worse,
all input and output pins (I/Os) are susceptible to positive and negative
ESD strikes so they all need protection.

Most ESD protection circuits engage (i.e., “trigger”) via dc or ac
coupling schemes and clamp their respective I/Os with forward- or
reverse-biased diodes or silicon-controlled rectifiers (SCRs). For exam-
ple, a common ESD structure used in digital ICs is a pair of forward
biasing diodes between pin v, and supply V| and ground, as shown
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Ficure 8.5 Common electrostatic-discharge protection circuits: (a) dc-coupled
forward biasing supply diodes, (b) dc-coupled forward/reverse biasing Zener
junction, (c) resistor-decoupled clamp (for polysilicon gates), (d) ac-coupled
forward biasing BJT, and (e) silicon-controlled rectifier.

in Fig. 8.5a, where positive and negative strikes engage the supply
and ground diodes, respectively, and clamp v, to V, +V and -V .
The drawback to this approach is that the response to positive strikes
relies and depends on Vs ESD clamp, which means current circu-
lates from v, through the IC to V before finally reaching ground.
Fortunately, reverse biasing a diode also shunts energy away
from the pin, thereby circumventing the dreaded V  path to ground.
Figure 8.5b shows one way to exploit this feature in a BJT, by forward
biasing its base-emitter junction during negative strikes and reverse
biasing them in response to positive strikes. (NPN base-emitter junc-
tions are commonly used to build Zener diodes.) Polysilicon gates, as
it turns out, are especially sensitive to CDM-like strikes so placing
local Zener clamps near the gates and decoupling them from the pin
via series resistors, as illustrated in Fig. 8.5¢, typically help—since the
gates do not draw dc current, series resistors do not normally present
a problem during normal operating conditions. Considering ESD
events are sudden and transient in nature, ac coupling the energy
through a capacitor is also a viable means of engaging a transistor, as
shown in Fig. 8.5d, where the NPN BJT steers ESD energy to ground
when the strike builds sufficient voltage across its base-emitter junc-
tion to engage it. In these cases, the designer tunes (often empirically)
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the resistor-capacitor time constant to match the rise and fall times
expected in the strikes.

Silicon-controlled rectifiers, as illustrated in Fig. 8.5¢, are also
popular ESD structures. These circuits rely on latch up, which is a
manifestation of positive feedback, to steer ESD energy away from
the sensitive circuit. During normal operating conditions, for exam-
ple, there is no base-emitter voltage across either BJT (in Fig. 8.5¢) to
engage the circuit. Forward biasing one of the base-emitter junctions,
however, with sufficient transient energy to induce a collector current
engages the complementary BJT and latches the circuit. In other
words, when referring to Fig. 8.5¢, as Q, causes Q, to conduct, Q,
responds by forward biasing Q, further, accentuating the forward
biasing process and causing the collector currents to increase and
absorb the incident ESD energy. Bear in mind noise energy should
not engage the SCR so the design should include sufficient noise mar-
gin to prevent inadvertent latch-up events from occurring.

With respect to linear regulators, specifically, noting the power
transistor is often self-protecting is worthwhile. The fact is the pass
device must already sustain high (load) power and channel what
amounts to considerable current back to the supplies via low-impedance
paths. The device is therefore guard-ringed with several n- and p-type
diffusion and metallic layers and placed near the edge of the die,
close to V and the ground bus. Consider, for example, the large
body diode of a power PMOSFET already protects v, against
positive ESD strikes by quickly steering energy to Vs ESD circuit,
which is normally, with respect to die placement, as alluded earlier,
next to the regulator IC. If v, is also attached to a polysilicon gate,
however, as in the case of a MOS-input differential pair, a local clamp
near the gate in question with a series resistor (e.g., 1-10 k<), as illus-
trated in Fig. 8.5c, should also be considered.

Characterization

Well-specified data sheets shield ICs from overstressing conditions
as much as protection circuits do, if not more. The reality is inac-
curate and/or incomplete information on the statistical perfor-
mance and operating limits of the IC can only tempt end users and
system designers into systematically overstressing the chip. The
worst by-product of this kind of neglect is the system may not fail
immediately but later, after the product using the IC reaches the
market. Not only will recalling and fixing merchandise after the
fact incur substantial manufacturing and personnel expenses but
so will losing the reputation that attracted the customer base in the
first place, as users and consumers lose confidence in the goods the
company sells. Data sheets must therefore specify and include care-
fully tested and statistically meaningful information on the perfor-
mance of the IC.
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This section discusses the most common test methods used to
determine the operating limits of a linear regulator. Since semicon-
ductor profits hinge on large-scale (i.e., volume) production and sales,
increasing the statistical value and confidence of the data is extremely
important. Numerous ICs from several different wafers and fabrica-
tion lots are therefore fully tested across worst-case temperature and
operating conditions. The underlying objective is to ascertain the
regulation and power performance of the IC and its operational
requirements. Although not often quoted in data sheets, the designer
must also ensure the IC starts and recovers properly from worst-case
power-up and power-down sequences.

8.2.1 Emulating the Load

To emulate the effects of a practical load on the regulator’s loop gain and
stability conditions, among other things, it is important to grasp its
nature. Unfortunately, outside of the specified load-current range, the
load is largely unknown and unpredictable, which means understand-
ing its most relevant features along with all its possible manifestations is
imperative. Thankfully, a Norton-equivalent model is sufficient, but only
for a particular load setting, not the entire range. Consider, for instance,
that while a variable current source can emulate variations in current, it
does not account for its effects on parallel load resistance R, -
Nevertheless, given the practical limitations a laboratory envi-
ronment presents, modeling the load with a simple resistor, as
depicted by variable resistor R, . in Fig. 8.6, is often easiest. The idea
is to leverage the regulating performance of the circuit by allowing
. to set its own load current i, , with respect to R, ; in other
Words allow the ohmic voltage across R, , (which is UOUT) deﬁne
I oap (-€ Ioyr 18 Do/ R o,ap)- The problem with this setup is R ,,p's
small-signal resistance, while delivering a particular i, setting,
may not be accurate. Consider, for example, the loading resistance of
an op amp biased with a “supply- and output-independent” quies-
cent current of 10 mA (i.e., 7, ,, ) and regulated to supply an output

Q) VIN
Ybc I I <P . _ VYour

ILOAD =
Yout Rioap
CH(T—I—\ Cine g . —(©)—1
R Y 0,
3 Filter
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— =
[ < =) g»—l
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Ficure 8.6 Test circuit for a linear regulator with a resistor load.
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of 2V (i.e., vy;) is not necessarily equivalent to “output dependent”
R oap (8., U051/ 1 o ap), Which would otherwise indicate 2 V/10 mA or
200 Q. In all fairness, the model of a switching digital IC, just to cite a
different example, often reduces to an equivalent resistance because
its current is, for the most part, proportional to its supply (i.e., i, is
proportional to v ), which means a purely resistive load model in
this case is relatively accurate.

On the other extreme, as mentioned earlier, modeling the load
with a current source does not account for variations in R, with
respect to 7, .. It is nonetheless useful, however, to also examine this
other extreme because the load is, as before, principally unknown.
The circuit in Fig. 8.7, as an example, emulates what amounts to an
all-active load. The op amp used (assuming it has high gain and neg-
ligible input-referred offset), irrespective of Uy €nsures the voltage
across R is Uy p oy SO its current, which flows through NMOS tran-
sistor M, is Ugypep/ Repy OF €quivalently, user-defined i oap- Although
modeling the load in this fashion does not include the effects of a
purely resistive load, implementing both setups examines the effects
of R,,,p's extreme values on the circuit, especially as it pertains to
loop gain and stability where R, , may have a considerable impact.

With respect to the circuit shown, the tantalum- or electrolytic-
ceramic capacitor combination C ,-C,, . attached to v in both Figs. 8.6
and 8.7 ensures the supply at the regulator pin is free of noise, that is,
stable and predictable. Because a ceramic capacitor introduces low ESR,
Cc shunts high-frequency noise whereas C ,, being that tantalum
and electrolytic capacitances (and their respective ESRs) can be substan-
tially higher, shunts low-frequency noise. Relatively high voltage
sources, incidentally, supply the discrete op amp because its headroom
limit is often higher than the IC regulator is. Additionally, the negative
supply is substantially below ground to ensure power transistor M,
does not enter triode during heavy loading conditions, when the volt-

age across R, (and M, s source voltage) is highest.
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Ficure 8.7 Test circuit for a linear regulator with a current-source load.
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8.2.2 Regulating Performance

Load Regulation

As described in Chap. 1, load regulation (LDR) refers to how much
Uoyr Varies when subjected to full-scale, steady-state changes in i, ,
(e.g., 20 mV of output-voltage variation across a load range of 0-5 mA).
Extracting LDR amounts to monitoring v, while subjecting the
linear regulator, as shown in Figs. 8.6 and 8.7, to a variable resistor
load R, ,,, and/or user-defined current-source load M,,. In these rep-
resentative setups, as in most, changes in R, or v .. (i.e., load)
must be slower (i.e., longer) than the speed (i.e., response time) of the
regulator to ensure v, settles to its steady-state value before recording
a measurement reading. In other words, soak time, which ultimately
translates to test time in production, should be long enough to capture
Uy after it settles. After testing the IC at a nominal V setting across
process (i.e., dies, wafers, and lots) and temperature (e.g., —40°C, 27°C,
and 125°C), a summary table reports the resulting three-sigma
(i.e., 30) variation in V. and an accompanying VI, .., LDR graph

e ouT OUT 'LOAD
(as shown in Fig. 8.8) illustrates a sample response.

N

Line Regulation

Line regulation (LNR) refers to how much v . varies when subjected to
full-scale, steady-state changes in v, (e.g., 8 mV of output-voltage vari-
ation across a line range of 1.8-3 V). The setup and procedure for extract-
ing LNR performance closely resemble its LDR counterpart (including
extending soak time beyond the response time of the circuit), except for
sweeping v, and holding I ,, , constant (at a nominal value). Note LNR
only includes the V' range for which parametric compliance is required
so it should not extend down to the circuit’s headroom limit (i.e., LNR’s
V, range should remain above headroom limit VIN(mm)). As a result, to
avoid mixing the temporary effects of a headroom crisis and start-up
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Ficure 8.8 Typical load-regulation measurement results.
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Ficure 8.9 Typical line-regulation measurement results.

during a supply ramp-up sequence (discussed later), it is best to sweep
Uy from its maximum- to its minimum-specified values (e.g., from 5 to
1.5 V), monitor v, and discard any variations near headroom limit
V inmin AgAIN, @ summary table reports the three-sigma (i.e., 30) varia-
tion in V. when tested across process and temperature and an accom-
panying V.-V, LNR graph (is illustrated in Fig. 8.9) demonstrates
representative responses.

Temperature Drift

Temperature-drift performance is also a dc parameter and therefore
requires a similar circuit and analogous measures with respect to LDR
and LNR, except this time both V| and I, , remain constant at nom-
inal values and temperature is swept. Soak time in this measurement
is normally longer because the thermal time constant of the IC in a
plastic package is considerably longer than the circuit’s bandwidth. If
not careful with soak time, in fact, the drift in v, when increasing
and decreasing temperature, may show false signs of thermal hyster-
esis (i.e., drift resulting from an ascending temperature sweep may
differ from its descending counterpart). If the hysteresis is indeed an
artifact of the measurement (i.e., not inherent in the reference or the
regulator), which is typically the case, it should disappear when soak
time extends beyond the thermal time constant of the chip.
Temperature drift in V;, across process for trimmed parts, as
shown in Fig. 8.10, may not be monotonic and/or consistent, even if
centered (i.e., optimized) correctly, which means quoting a slope is
not entirely relevant. The best means of describing drift performance
is, as in a reference, the box method, the goal of which is to enclose all
Uour Values across extreme temperature settings in a “box” and quote
the 3o variation of its vertices. In other words, the specification table
should report the 36 variations of v, at its worst temperature set-
tings (e.g., 15 mV of total variation between —40°C and 125°C).
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Ficure 8.10 Typical temperature-drift measurement results.

Load-Dump Response

Specifying transient variations in v, in response to sudden load
changes is more difficult than its LDR, LNR, and temperature-drift
predecessors are because predicting the nature of the load dumps is
mostly guesswork. Even if the total transient variation in 7, , were
known (and that value often differs from i oap S full-scale range), its
rise and fall times ¢, and ¢, may not be so the total variation in v,
cannot be predicted because it also depends on f, and t.. The nominal
time-domain graph the data sheets typically show is typically vague
and optimistic because ¢, and t, are neither apparent from the graph
nor quoted, and values used are often in the microsecond region, near
the regulator’s bandwidth where the circuit is fast enough to react. In all
fairness, quoting difficult-to-achieve rise and fall times (e.g., 10-100 ns)
may be unrealistic, especially when considering a wide application
space. Nevertheless, even if not quoted, system designers understand
this and normally allocate 3-7% of accuracy for load-dump-induced
variations in v ;.

Unfortunately, regulator ICs targeted for SoC solutions do not
enjoy the “specmanship” flexibility stand-alone devices do. The truth
is modern mixed-signal systems: (1) switch at high frequencies and
(2) load low on-chip output capacitances C,, which means synchro-
nized transitions are quick and their effects on v . are substantial.
Luckily, the load is usually more predictable and its magnitude less
severe in SoC applications. Figure 8.11, just to cite a typical regulator
IC example, illustrates how a 100-ns, 1-5-mA load dump at 100 kHz
induces 500 mV excursions in v,

In practice, emulating worst-case dumps with the resistively
loaded circuit shown in Fig. 8.6 by driving R, ,,’s ground terminal,
as shown in Fig. 8.12, with a square-wave voltage source (i.e., Uy pcp)
is possible. The circuit relies on the regulator’s ability to fix and regu-

late v, to a constant value so applying v to R ,,,’s ground

SOURCE LOAD
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Ficure 8.12 Modified resistively loaded test circuit for load-dump measurements.

terminal induces a square-wave load current i, , that is equivalent
to the ratio of voltage drop v — Vg rep @and R, . An op amp in
unity-gain configuration buffers the actual signal source vy .
because v, ., may be incapable of sinking the desired i ., as is
typically the case. Similarly, although not often true in SoC environ-
ments where the load is lower, the discrete op amp may not be able to
sink [ AD(max) SO7 a8 shown, a cascaded power NMOS transistor can be
used to drive R, . Note the current-source circuit of Fig. 8.7 needs
no modifications for this measurement, except for driving a square-
wave signal through v, . .. Also notice the op amp in all cases must
be sulfficiently fast and powerful to drive the power transistor’s gate

at the prescribed rise and fall times needed.
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Accuracy

The total accuracy performance specified in a data sheet (e.g., £1-3%)
typically includes the 36 impact of load, line, and temperature on the
IC across several wafers and fabrication runs. Perhaps the most prac-
tical means of combining (and visualizing) these effects into a single
specification is to monitor, measure, and graph v, across load 7, .,
as though it were an LDR measurement (as shown in Fig. 8.8), but at
the extreme values of V and temperature. In other words, the com-
bined accuracy graph would mimic the LDR graph, except it would
show four different families of curves belonging to all possible extreme
combinations of V and temperature: at the highest V and highest
temperature, lowest V, and lowest temperature, highest V| and low-
est temperature, and lowest V, and highest temperature. Then, using
the box method, the specification would report the 3 variations associ-
ated with the worst corners of the box. While on the subject, the accu-
racy specification, as quoted on a data sheet, normally excludes the
effects of load dumps.

Power-Supply Rejection

One of the reasons why power-supply ripple rejection (PSRR), as is
often called, also describes power-supply rejection (PSR) is because the
test setup used to measure PSR literally injects a ripple into the circuit
through v . The measurement therefore consists of introducing a ripple-
emulating sinusoid at a particular frequency f, into v, monitoring the
resulting ripple in v_ ,, measuring the ratio of the peaksin v, and v,
and repeating the procedure at other frequencies. A graph of ripple-
rejection ratio Av/Av, . or supply gain Av_ . /Av, (ie., A,) across
frequency, as shown in Fig. 8.132 where the responses of several different
regulator architectures are included, would then describe PSR perfor-
mance. Similarly, a list of data points would also describe PSR (e.g., 50 dB
rejection at 1 kHz with a 10-mA load, etc.).

In practice, a function generator alone is not a suitable replace-
ment for v because the generator is normally incapable of driving
the currents a linear regulator conducts. Alternatively, an op amp and
a power NMOS transistor in unity-gain feedback configuration, as
exemplified by the PSR circuit shown in Fig. 8.13b, can buffer and
unload the function generator (i.e., v ) Incidentally, the peak-to-
peak value of the input ripple is normally on the order of 20-100 mV
to mimic the ripple the output of a switching converter would inject
into the circuit in a typical real-life application. The measured results,
as it turns out, may not correlate exactly with the small-signal
response obtained from ac simulations because 20-100 mV variations
in v,  may not constitute the small signals the simulator expects, espe-
cially when the regulator is close to dropout. Transient, time-domain
simulations that inject a ripple into v, and monitor the resulting rip-
ple in the output, as expected in real life and applied to the actual
measurement, would more accurately predict PSR performance.
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8.2.3 Power Performance

Efficiency

Determining the efficiency performance of a linear regulator reduces
to measuring input current I, across the entire load-current range
because, outside of I, and I, ,, efficiency n only depends on input
and output voltages V and V., both of which the user or target
application set:

POUT ILOADVOUT [VOUT ]
n = = = 17 8‘8
By - IV MV (88)
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As such, because V|, V,, and I, are normally outside the control

of the IC designer (i.e., they are open system-design variables), extracting
and quoting ground current I, (or equivalently, quiescent current [ ,)
and/or current efficiency n, are often more meaningful, where

I I
n, =—LOAD _ LOAD 8.9
" ln oo T loso ®9)
and I, is extracted from I by subtracting I, ., from [ during an

LDR measurement. A summary table ultimately specifies 3¢ variations
in I, (or equivalently, I ., ) at the extremes of the load range, or a nomi-
nal value at the halfway point (e.g., 20 pA of I, at a load of 10 mA). I,
(orI,) isnot always a function of I, , ,, but if it were, a nominal graph of
I\p With respect to |

Loap May also accompany the specification table.

Dropout
Measuring dropout voltage V is not always straightforward. The
difficulty mostly arises in applications that demand low output volt-
ages V,; because decreasing V| may push the regulator beyond its
headroom limit V. before allowing it to enter the dropout region.
In those cases, increasing Vs target regulation point (by modify-
ing the resistor feedback network) increases the input onset voltage
of the dropout region so that decreasing V| will first push the regula-
tor into dropout before letting headroom run its course. To secure a
valid measurement, as a result, understanding how the regulator
behaves in all its various regions of operation is important.

Consider the results shown in Fig. 8.14, as obtained by expanding
the LNR measurement range to include lower V values. In decreasing

Dropout region
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Ficure 8.14 Sample dropout and headroom limit V,N(mm) measurement
results from an expanded LNR measurement.
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V, down from 2.5 to 1.25 V, the linear regulator tested remains in the
linear region, regulating v, to its target of 0.9 V. Between 1.15 and
125V, V pushes one or several transistors in the regulator closer to tri-
ode so the regulator’s loop gain decreases and v, noticeably deviates
from its target. (Note v,;; may not always increase with decreasing val-
ues of V| in the low-gain portion of the linear region.) In decreasing V
beyond this point, below 1.15 V for example, once there is no more loop
gain, the regulator enters dropout and v, decreases almost linearly
with V.. In this region, V. is V|, = V;, except data sheets normally
report V only at maximum load current I, AD(mayy At the worst possible
load setting (e.g., 50 mV drop at 10 mA). Upon reaching V.., 0.9 Vin
this case, the regulator ceases to operate properly so the circuit no longer
closes the negative-feedback loop required to regulate v, and I,
consequently discharges C . and pulls v, to 0 V.

8.2.4 Operating Environment

Load Range

Although not always the case, the onset of dropout sometimes sets
the regulator’s maximum load-current limit [, ,,, . It is not unusual
for industry, for instance, to determine the current necessary to induce
a dropout voltage of 200 mV and use that setting as I, ..., Con-
sider, for example, setting V,; to maybe 100mV above the regulated
output, sweeping I, ,,,, and monitoring which load setting induces
Uour to drop 200 mV below V| determines the maximum load-current
limit (i.e., | 55 pgnay) that produces a 200-mV dropout. This method of
extracting I, ..., however, only applies to stand-alone regulator
chips whose target design space is not as clear as their application-
specific counterparts. System-on-chip (SoC) designs, just to cite an
increasingly ubiquitous example, must supply specific load-current
ranges under predetermined dropout conditions, which means deter-
mining I, ..., is not as relevant or meaningful as extracting LDR
performance across the desired load range.

Headroom

As discussed and illustrated earlier in Fig. 8.14, an expanded LNR
measurement also includes the effects of headroom. In more explicit
terms, as V| decreases, v, drops abruptly at headroom limit V.
(e.g.,at 0.9 Vin Fig. 8.14). Note again that increasing V' from ground
may not exhibit the same results because v, may otherwise also

include the effects of start-up and power-up sequences.

Output Filter

Determining the acceptable filter space for which the regulator is
stable is somewhat complicated, when compared to other measure-
ments. The main problem, as before, is the unpredictable nature of
the load, as overstressing the regulator with excessively fast and large
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load dumps seems pessimistic and understressing it seems unrealistic.
Coupling this uncertainty with how involved the measurement is in
practice explains the inconsistency of the methods used to extract this
range in industry and the seemingly incomplete data sheets that
result. Consider, however, that stability (as opposed to phase margin,
which implies proneness to unstable conditions) is ultimately a binary
parameter because the circuit under a given filter scenario is either
stable or unstable. As a result, stability tests should include all possi-
ble worst-case conditions such as full-scale load dumps (e.g., from 0 A
t0 I} s pimany) With the fastest rise and fall times possible (e.g., less than
10-100 ns at maybe 100 Hz) at the extreme limits of the temperature
range. (Note slower rise and fall times do not expose the circuit to
high-frequency perturbations.)

The difficulty in this test is implementing output capacitor-ESR
combination C-R... The easiest approach, although not always the
most practical, is to find enough capacitors to populate the entire
C,-R.s space, use them to filter v . under fast load-dump condi-
tions, and monitor if oscillations result— the circuit is stable if no C -R
setting produces oscillations. The problem with this method is find-
ing sufficient capacitors to characterize the regulator fully. Bear in
mind that using transistors to switch resistors in and out of an arti-
ficial R . -resistor string in combination with a low-ESR capacitor is
not practical because the transistor’s switch resistance is on the
order of the R, targeted, which means the transistor constitutes a
considerable parasitic.

Alternatively, as shown in Fig. 8.15, soldering several low-ESR
ceramic multilayer 1-10 nF capacitors in parallel and the entire array in
series with several 1 Q power resistors (in parallel) to build and emulate
several C-R, combinations is viable. With this tactic, the first measure-
ment setting corresponds to the highest possible C, and lowest possible
Rz combination, when all capacitors and resistors are used. The proce-
dure continues by disconnecting (i.e., desoldering) one resistor from the
array at a time, after monitoring the response of v, to load dumps at
both low and high temperatures. The next set of measurements involve
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Ficure 8.15 Test circuit used to test the C -R__. stability space of a linear regulator.
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reconnecting (i.e., resoldering) all resistors, disconnecting (i.e., desolder-
ing) another capacitor, and repeating the ESR-reduction process. Resis-
tors are once again reconnected (i.e., resoldered), another capacitor is
disconnected (i.e., desoldered), and the ESR-reduction process is repeated
until the entire C -R, space is tested.

Figure 8.16 shows the representative C-R, space that results
when subjecting an externally compensated regulator to stability
measurements. Each data point represents the edge beyond which an
increase or decrease in R, causes sustained oscillations in v ;. Some
designers call the C -R, boundaries that result “the curves of death”
because they map where the regulator is and is not stable, in other
words, the CoRix combinations for which the circuit survives and
recovers from high-frequency perturbations. As expected, the graph
shown depicts a regulator that is generally more stable with increas-
ing output capacitance C,, which corresponds to a regulator whose
output pole p, is dominant. For stable conditions to persist at low C
values, R, must either be low enough to avoid the zero R, controls
from extending unity-gain frequency f, ., into the parasitic-pole region
or, conversely, sufficiently high for the ESR zero to cancel the effects
of the system’s second dominant pole, which is, for the most part,
amplifier pole p,. An internally compensated response generally
complements the graph shown because the regulator would gener-
ally become more stable with decreasing C values. With high output
capacitances, an internally compensated regulator normally requires
sufficiently high R .’s for the ESR zero to offset the effects of p or
low enough R..’s to avoid pulling the ESR zero below f, .., where
another zero may already exist for the purpose of canceling p,..

8.2.5 Start-Up

Start-up or power-up sequences are often unspecified because the mere
fact the data sheet or the designer claims the circuit works is a guar-
antee. Emerging portable applications, however, are starting to
demand this specification not because they wish to verify its func-
tionality but because they can only tolerate short start-up times (e.g.,
start in less than 1 ps). The driving motivation for characterizing this
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Ficure 8.17 Superimposed enabled start-up measurements.

parameter is that small, battery-powered devices cannot afford to
dissipate any quiescent power indefinitely and must therefore engage
and disengage circuits to preserve energy and extend operational life.
As a result, testing start-up is not only a functional state test but also
a quantitative measurement.

Start-up tests, as in a real-life application, must consider supply
ramps, supply and load pulses, and enabled starts. Since full supply
ramps can occur in both micro- and milliseconds, tests should include
both extreme sets of conditions. Intermediate rise times should also
be included to ensure the corresponding frequency of the supply
ramp does not happen to prompt uncontrolled oscillations in v,
Similarly, the regulator should recover from noise- and load-induced
pulses in v (e.g., 2-V pulses with a duration of 1 ps) and v, (e.g.,
50-mA load pulses with a duration of 1 ps), the latter of which is
already tested in the load-dump measurement. To this end, the same
circuit used to test PSR (as shown in Fig. 8.13b) is a good setup for all
ramped and pulsed v, measurements. In the case of enabled regula-
tors, response times to enable ramp-up sequences with less than 100 ns
rise times are quantified (e.g., the IC starts after 500 pis of being enabled)
and graphed, as illustrated in Fig. 8.17.

Summary
Protecting a linear regulator IC is as important as designing it in the
first place. Consider that, in practice, just to cite an example, the load
may short and stress the IC with substantially high currents, which
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when sustained, can elevate the IC’s junction temperature beyond
the melting point of the plastic package. Including overcurrent pro-
tection and /or thermal-shutdown features in the IC, as a result, safe-
guard the regulator, and more specifically, the power device from
such strenuous and damaging conditions. The designer must also
anticipate the human factor because people (inadvertently or not)
may not only reverse the battery but also expose the chip to sudden
electrostatic discharges. Irrespective of the means and shielding
objectives, one of the most important challenges in including protec-
tion and staying alert for all possible electrical violations is maintain-
ing transparency, which is to say the protection circuit should neither
dissipate power nor introduce parasitic voltage drops.

Ignorance on the part of the user or system designer can be
equally destructive, if not more, because systematically overstressing
the regulator with a load it cannot handle may not fail immediately
but later, when a product using the IC is in full production. Charac-
terization, in this regard, is by far the best means of increasing reli-
ability and mitigating the risk of a “call back.” The data, however, is
only as valid as the measurements that extract them, which is why
emulating the load and carefully considering the test setup are impor-
tant in this process. While a resistor alone, for example, may fully
model a particular load, it cannot represent all possible loads, so com-
plementing the measurements with a current-source load is often a
sensible precaution. Bear in mind that, although not always tangibly
apparent or evident, the savings from avoiding short- and long-term
product failures justifies (within reason) the test time and effort (i.e.,
cost) dedicated to fully ascertaining the regulation, power, and oper-
ating limits of the regulator.
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