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PREFACE

During the last decades much has been prophesized that there will be little need
for analog circuitry in the future because digital electronics is taking over. Far from
having proven true, this contention has provoked controversial rebuttals, as epito-
mized by statements such as *'If you cannot do it in digital, it’s got to be done in
anatog.” Add to this the common misconception that analog design, compared to
digital design, seems to be more of a whimsical art than a systematic science, and
whal is the confused student to make of this controversy? Is it worth pursuing some
coursework in analog electronics, or is it better to focus just on digital?

There is no doubt that many functions that were traditionally the domain of
analog electronics are nowadays implemented in digital form, a popular example
being offered by digital audio. Here, the analog signals produced by microphones
and other acoustic transducers are suitably conditioned by means of amplifiers and
filters, and are then converted to digitai form for further processing, such as mixing,
editing, and the creation of special effects, as well as for the more mundane but no less
important tasks of transmission, storage, and retrieval. Finally, digital information is
converted back to analog signals for playing through loudspeakers. One of the main
reasons why it is desirable to perform as many functions as possible digitally is the
generally superior reliability and fexibility of digital circuitry. However, the physical
world is inherently analog, indicating that there will always be a need for analog
circuitry to condition physical signais such as those associated with transducers, as
well as to convert information from analog to digital for processing, and from digital
back to analog for reuse in the physical world. Moreover, new applications continue
to emerge, where considerations of speed and power make ic more advantageous to
use analog front ends; wireless communications provide a good example.

Indeed many applications today are best addressed by mixed-mode integrated
circuits (mixed-mode ICs) and systems, which rely on analog circuitry to interface
with the physical world, and digital circuitry for processing and control. Even though
the analog circuitry may constitute only a smail portion of the total chip area, it is
often the most challenging part to design as well as the limiting factor on the perfor-
mance of the entire system, In this respect, it is usually the anulog designer who is
called to devise ingenious solutions to the task of realizing analog functions in decid-
edly digital technologies; switched-capacitor techniques in filtering and sigma-delta
techniques in data conversion are popular examples. In light of the above, the need
for competent analog designers will continue to remain very strong. Even purely
digital circuits, when pushed to their operational limits, exhibit analog behavior.
Consequently, a solid grasp of analog design princ:, . .n1techniques is a valuable
asset in the design of any IC, not just purely digital or purely unalog ICs.

THE BOOK

The goal of this book is the illustration of general analog principles and design
methodologies using practical devices and applications. The book is intended as a

Xi
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textbook Tor undergraduate and graduate courses in design and applications with
analog integrated circuits (analog 1Cs), as well as a reference book for practicing
engineers. The reader is expected to have had an introductory course in electronics,
1o be conversant in frequency-domain analysis techniques, and to possess basic skills
in the use of PSpice. Though the book contains enough material for a two-semester
course, it can also serve as basis for a one-semester course after svitable selection
of topics. The selection process is facilitated by the fact that the book as well as its
individual chapters have generally been designed to proceed from the elementary to
the complex.

At San Francisco State University we use the book for a sequence of two one-
semester courses, one at the senior and the other at the graduate level. In the senior
coursc we cover Chapters 1-3, Chapters 5 and 6, and most of Chapters 9 and 10,
in the graduate course we cover all the rest. The senior course is taken concurrently
with a course in analog IC fabrication and design. For an effective utilization of
analog ICs, it is important that the user be cognizant of their internal workings, at
least qualitatively. To serve this need, the book provides intuitive explanations of the
technological and circuital factors intervening in a design decision.

The third edition retains the features that distinguished the second edition from
the first: namely. considerable pedagogical enhancements, inclusion of PSpice sim-
ulations, and expanded subject coverage to include, among others, current-feedback
amplitiers, switching regulators, sigma-delta converters, and phase-locked loops. In
addition, negative-feedback concepts have been clarified and emphasized further,
and the number of end-of-chapter problems has been increased by 10% to achieve
a total of 579. Although many readers will undoubtedly prefer to use Windows ver-
sions of PSpice, it was decided after much deliberation to retain the netlist version
of the second edition because of its pedagogical advantages. However, the interested
reader can find Windows versions of the book’s netlist examples in the accompanying
Website at http://www.mhhe.com/franco.

The desire to address general and lasting principles in a manner that tran-
scends the latest technological trend has motivated the choice of well-established and
widely documented devices and technologies as vehicles to illustrate such principles.
However, whenever necessary, the reader is made aware of more contemporary
alternatives, as well as bibliographical sources and where to find them.

THE CONTENTS AT A GLANCE

Although not explicitly indicated, the book consists of three parts. Part I (Chapters
1-4}) introduces fundamental concepts and applications based on the op amp as a
predominantly ideal device. It is felt that the student needs to develop sufficient con-
fidence with ideal (or near-ideal) op amp situations betore tackling and assessing the
consequences of practical device limitations. Limitations are the subject of Part 11
(Chapters 5-8), which covers the topic in more systematic detail than previous edi-
tions. Finally, Part 111 (Chapters 9-13) exploits the maturity and judgment developed
by the reader in the first two parts to address a variety of design-oriented applications.
Following is a brief chapter-by-chapter description of the material covered.
Chapter 1 reviews basic amplifier concepts, including negative feedback. Much
emphasis is placed on the loop gain T as a gauge of circuit performance. The student
is introduced to simple PSpice models, which will become more sophisticated as

we progress through the book, Those instructors whe fiad the joop- i Graimen:
overwhelming this early in the book, may skip it to return to it later, at a more suitable
time. Coverage rearrangements of this sorl are facilitated by the fact that individual
sections and chapters have been designed to be as independent as possible from each
other; moreover, the end-of-chapter problems are grouped by section.

Chapter 2 deals with J-V, V-/, and I-I converters, along with various instru-
mentation and transducer amplifiers. The chapter places much emphasis on feedback
topologies and the role of the loop gain T

Chapter 3 covers first-order filters, audio filters, and popular second-order fil-
ters such as the KRC, multiple-feedback, state-variable, and biquad topologies. The
chapter emphasizes complex-plane systems concepts, and concludes with filter sen-
sitivities.

The reader who wants to go deeper into the subject of filters will find Chapter 4
useful. This chapter covers higher-order filter synthesis using both the cascade and
the direct approaches. Moreover, these approaches are presented for both the case
of active RC filters and the case of switched-capacitor (SC) filters.

Chapter 5 addresses input-referrable op amp errors such as Vgs, Ig, s, CMRR,
PSRR, and drift, along with operating limits. The student is introduced to data-
sheet interpretation, PSpice macromodels, and also to different technologies and
topologies.

Chapter 6 addresses dynamic limitations in both the frequency and time domains,
and investigates their effect on the resistive circuits and the filters that were studied in
Part | using mainly ideal op amp models. Vohage-feedback and current-feedback are
compared in detail, and PSpice is used extensively to visualize both the frequency and
transient responses of representative circuit examples. Having mastered the material
of the first four chapters using ideal or nearly-ideal op amps, the student is now
in a better position to appreciate and evaluate the consequences of practical device
limitations.

The subject of ac noise, covered in Chapter 7, follows naturally since it combines
the principles leamed both in Chapters 5 and 6. Noise calculations and estimation
represent another area in which PSpice proves a most useful tool.

Part Il concludes with the subject of stability, in Chapter 8. The material has been
arranged to facilitate topic selection, and puts much emphasis on a systems-oriented
approach. Again, PSpice is used profusely to visualize the effect of the different
frequency-compensation techniques presented.

Part I11 begins with nonlinear applications, in Chapter 9. Here, nonlinear behav-
ior stems from either the lack of feedback (voltage comparators), or the presence
of feedback, but of the positive type (Schmitt triggers), or the presence of nega-
tive feedback, but using nonlinear elements such as diodes and switches (precision
rectifiers, peak detectors, track-and-hold amplifiers).

Chapter 10 covers signal generators, including Wien-bridge and quadrature os-
cillators, multivibrators, timers, function generators, and V-F and F-V converiers.

Chapter 11 addresses regulation. It starts with voltage references, proceeds to
linear voltage regulators, and concludes with switching regulators. The last topic has
been at the center of much attention and industrial activity since the eighties, and
entire books have been written on the subject. Of necessity, this chapter exposes the
student only to the fundamentals of this most important area.

Chapter 12 deals with data conversion. Data-converter specifications are treated
in systematic fashion, and various applications with multiplying DACs are presented.
The chapter concludes with oversampling-conversion principles and sigma-delta
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converters. Much has been written aiso about this subject, so this chapter of necessity
exposes the student onty to the fundamentals.

Chapter 13 concludes the book with a variety of nonlinear circuits, such as
log/antilog amplifiers, analog multipliers, and operational transconductance ampli-
fiers with a brief exposure to g,,-C filters. The chapter culminates with an introduc-
tion to phase-locked loops, a subject that combines important materials addressed
at various points in the preceding chapters.

THE WEBSITE

The book is accompanied by a website (http://www.mhhe.com/franco) containing a
variety of Instructor and Student Resources as welt as other useful links. A website
icon has been placed in the margin in those places in the text where the website
resources would prove most useful. The Instructor Resources consist of a Solu-
tions Manual, Downloadable Software, Windows Version of PSpice Examples, and
PageQut (a link to McGraw-Hill’s course Website Development Tools). The Stu-
dent Resources consist of Downloadable Software and Windows Version of PSpice
Examples. The author welcomes feedback via email, at sfranco @sfsu.edu.
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Appendix 1A

The term operational amplifier, or op amp for short, was coined in 1947 by John R.
Ragazzini to denote a special type of amplifier that, by proper seleciion of its external
components, could be configured for a variety of operations such as amplification,
addition, subtraction, differentiation, and integration. The first applications of op
amps were in analog computers. The ability to perform mathematical operations
was the result of combining high gain with negative feedback.

Early op amps were implemented with vacuum tubes, so they were bulky, power-
hungry, and expensive. The first dramatic miniaturization of the op amp came with
the advent of the bipolar junction transistor (BIT), which led to a whole generation
of op amp modules implemented with discrete BJTs. However, the real breakthrough
occurred with the development of the integrated circuit (IC) op amp, whose elements
are fabricated in monolithic form on asilicon chip the size of a pinhead. The first such
device was developed by Robert J. Widlar at Fairchild Semiconductor Corporation
in the early 1960s. In 1968 Fairchild introduced the op amp that was to become the
industry standard, the popular uA741. Since then the number of op amp families
and manufacturers has swollen considerably. Nevertheless, the 741 remains one of
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tne most popuiar types in spite of competition from devices of comparable cost but
superior performance. Because of its enduring popularity and the fact that it is the
most widely documented op amp in the literature, we shall use it as a vehicle to
illustrate general op amp principles and also as a yardstick to assess the relative
merits of other op amp families. However, we shall not hesitate to turn to other op
amp types if they prove better suited to the application at hand.

Op amps have made lasting inroads into virtually every area of analog and mixed
analog-digital electronics. Such widespread use has been aided by dramatic price
drops. Today, the cost of an op amp that is purchased in volume quantities can be
comparable to that of more traditional and less sophisticated components such as
trimmers, quality capacitors, and precision resistors. In fact, the prevailing attitude is
to regard the op amp as just another component, a viewpoint that has had a profound
impact on the way we think of analog circuits and design them today.

The internal circuit diagram of the 741 op amp is shown in Fig. 5A.2 of the
Appendix at the end of Chapter 5. The circuit may be intimidating, especially if
your understanding of BJTs is not sufficiently deep. Be reassured, however, that it is
possible to design a great number of op amp circuits without a detailed knowledge of
the op amp’s inner workings. Indeed, in spite of its internal complexity, the op amp
lends itself to a black-box representation with a very simple relationship between
output and input. We shall see that this simplified schematization is adequate for a
great variety of situations. When it is not, we shall turn to the data sheets and predict
circuit performance from specified data, again avoiding a detailed consideration of
the inner workings.

To promote their products, op amp manufacturers maintain applications depart-
ments with the purpose of identifying areas of application for their products and
publicizing them by means of application notes and articles in trade journals. You
are encouraged to start building your own reference library of linear data books and
application notes. Browse through them in your spare time, and you will be amazed
by the wealth of information they provide. For your convenience, we maintain an
updated list of the major op amp manufacturers. This list can be accessed by visiting
the Web site at hitp://www.mhhe.com/franco.

This study of op amp principles should be corroborated by practical experimen-
tation. You can either assemble your circuits on a protoboard and try them out in the
lab, or you can simulate them with a personal computer using any of the various CAD/
CAE packages available, such as SPICE. For best results, you may wish to do both.

After reviewing basic amplifier concepts, this chapter introduces the op amp
as well as analytical techniques suitable for investigating a variety of basic op amp
circuits. Central to the operation of these circuits is the concept of negative feedback.
In particular, the reader is introduced to the concept of loop gain as the most impor-
tant characteristic of negative-feedback circuits. The chapter concludes with some
practicat considerations, such as op amp powering, output saturation, and internal
power dissipation,

1.1
AMPLIFIER FUNDAMENTALS

Before embarking on the study of the operational amplifier, it is worth reviewing
the fundamental concepts of amplification and loading. Recall that an amplifier is a

two-port device that accepts an externally applied signal, called input, and generates
a signal called output such that outpur = gain x inpur, where gain is a suitable
proportionality constant. A device conforming to this definition is called a linear
amplifier 10 distinguish it from devices with nonlinear input-output relationships,
such as quadratic and log/antilog amplifiers. Unless stated to the contrary, the term
amplifier will here signify linear amplifier.

An amplifier receives its input from a source upstream and delivers its output
to a load downstream. Depending on the nature of the input and output signals, we
have different amplifier types. The most common is the voltage amplifier. whose
input v; and output v g are voltages. Each port of the amplifier can be modeled with
a Thévenin equivalent, consisting of a voltage source and a series resistance. The
input port usually plays a purely passive role, so we model it with just a resistance
R;, called the input resistance of the amplifier. The output port is modeied with
a voltage-controlled voltage source (VCVS) 1o signify the dependence of vy on
v, along with a series resistance R, called the output resistance. The situation is
depicted in Fig. 1.1, where Aqe is called the voliage gain factor and is expressed in
volts per volt. Note that the input source is also modeled with a Thévenin equivalent
consisting of the source v g and series resistance Ry; the output load, playing a passive

role, is modeled with a mere resistance Ry .

We now wish to derive an expression for v in terms of vs. Applying the voltage
divider formula at the output port yields

- Ro+ RL
We note that in the absence of any load (R; = 00) we would have vp = Ag.v;.

Hence, Ao is called the unloaded, or open-circuit, voltage gain. Applying the voliage
divider formula at the input port yields

vo AccVy (LD

R;
V= RS (1.2)
Eliminating v; and rearranging, we obtain the source-fo-load gain,
vo R Ry

= A 1.3
vs Rt R R+ R, (-3
As the signal progresses from source to load, it undergoes first some attenuation at
the input port, then magnification by A, inside the amplifier, and finally additional
attenuation at the output port. These attenuations are referred lo as ioading. 1t is
apparent that because of loading, Eq. (1.3) gives [vo/vs| < |Aoc!.

Source Voltage amplifier Load

FIGURE 1.1
Voltage amplifier.
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EXAMPLE L1 (@) An amplifier with R; = 100 k2, Apc = 100 V/V, and R, =1 Qs
driven by a source with R, = 25 k2 and drives a load Ry, = 3 Q. Calculate the overall
gain as well as the amount of input and output loading. (5) Repeat, but for a source with
R; = 50k and a load K;, = 4 Q2. Compare.

Solution.

(a) By Eq. (1.3), the overall gain is vo /vs = [100/(25 + 1000} x 100 x 3/(1 +3) =
0.80 x 100 x 0.75 = 60 V/V, which is less than 100 V/V because of loading.
Input loading causes the source voltage to drop 10 80% of its unloaded value; output
loading inti« 1. an additional drop to 75%.

(b) By the same equation, vo/vs = 0.67 x 100 x 0.80 = 53.3 V/V. We now have more
loading at the input but less loading at the output. Moreover, the overall gain has
changed i V10533 VIV

Loading is generally undesirable because it makes the overall gain dependent
on the particular input source and output load, not to mention gain reduction. The
origin of loading is obvious: when the amplifier is connected to the input source,
R; draws current and causes R; to drop some voltage. It is precisely this drop that,
once subtracted fiv -, , lcads to a reduced voltage v;. Likewise, at the output port
the magnitude of v ¢; is less than the dependent-source voltage Aocvy because of the
voltage drop across R,,.

If loading could he eliminated altogether, we would have vo /vs = Aoc regard-
less of the input source and the output load. To achieve this condition, the voltage
drops across Ry and R, must be zero regardless of Rs; and Ry. The only way to
achieve this is by requiring that our voltage amplifier have R; = oo and R, = 0. For
obvious reasons such an amplifier is termed ideal. Though these conditions cannot
be met in practice, an amplifier designer will strive to approximate them as closely
as possible by ensuring that R; 3> Ry and R, < Ry for all input sources and output
loads that the amplifier is likely to be connected to.

Another popular amplifier is the current amplifier. Since we are now dealing
with currents, we model the input source and the amplifier with Norton equivalents,
as in Fig. 1.2. The parameter Asc of the current-controlled current source (CCCS)
is called the unl i, or short-circuit, current gain. Applying the current divider
formula twice yiclds the source-to-load gain,

io _ Ry R,

— A
R IR

= 1.4)
is RJ+R|' (

Source Current amplifier Load

FIGURE 1.2
Current amplifier.

TABLE 1.1
Basic amplifiers and their ideal terminal resistances

Input Output Amplifier type Gain Ry Ro
vy vo Voltage viv 00 0
iy ip Current A/A 0 [+ 4]
7] ig Transconductance AV oo oo
ir vo Transresistance V/IA 1] 0

We again witness loading both at the input port, where part of i 5 is lost through Ry,
making iy less than is, and at the output port, where part of Ay is lost through
R,. Consequently, we always have |ig/is| <|Ascl. Tu eliminate loading, an ideal
current amplifier has R; =0 and R, = o0, exactly the opposite of the ideal voltage
amplifier.

An amplifier whose input is a voltage v; and whose output is a current ig
is called a transconductance amplifier because its gain is in amperes per volt, the
dimensions of conductance. The situation at the input port is the same as that of
the voltage amplifier of Fig. 1.1; the situation at the output port is similar to that of
the current amplifier of Fig. 1.2, except that the dependent source is now a voltage-
controlled current source (VCCS) of value Agvy, with A, in amperes per volt. To
avoid loading, an ideal transconductance amplifier has R; = oo and R, = oo.

Finally, an amplifier whose input is a current i; and whose output is a voltage
vo is called a transresistance amplifier; and its gain is in volts per ampere. The input
port appears as in Fig. 1.2, and the output port as in Fig. 1.1, except that we now
have a current-controlled voltage source (CCVS) of value A,i;, with A, in volts
per ampere. Idealiy, such an amplifier has R; = 0 and R, = 0, the opposite of the
transconductance amplifier.

The four basic amplifier types, along with their ideal input and output resis-
tances, are summarized in Table 1.].

12
THE OPERATIONAL AMPLIFIER

The operational amplifier is a voltage amplifier with extremely high gain. For exam-
ple, the popular 741 op amp has a typical gain of 200,000 V/V, also expressed
as 200 V/mV. Gain is also expressed in decibels (dB) as 20 log;, 200,000 =
106 dB. The OP-77, a more recent type, has a gain of 12 million, or 12 V/uV,
or 20 log (12 x 10%) = 141.6 dB. In fact, what distinguishes op amps f-om all
other voltage amplifiers is the sizc - ©T1 the next sections we shall see
that the higher the gain the better, or th... "ideallv have an infinitely
large gain. Why one would want gain to be ¢x.. 1 infinite, will
become clearer as soon as we start analyzing our first op amp cucuits.

Figure 1.3a shows the symbol of the op amp and the power-supply connections
to make it work. The inputs, identified by the “—" and “4 symbols, are designated
inverting and noninverting. Their voltages with respect to ground are denoted vy

and v p, and the output voltage as vg. The arrowhead signifies signal flow from the
inputs to the output.
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(a) )

FIGURE 1.3

(a) Op amp symbol and power-supply connections. (b) Equiva-
lent circuit of a powered op amp. (The 741 op amp has typically
rg =2MQ ¢ =200VimV,andr, =75 Q.)

Op amps do not have a 0-V ground terminal. Ground reference is established
externally by the power-supply common. The supply voltages are denoted V¢ and
VeE, and their values are typically £15 V, though other values are possible, as we
shall see. To minimize cluttering in circuit diagrams, it is customary not to show the
power-supply connections. However, when we try out an op amp in the lab, we must
remember to apply power to make it function.

Figure 1.3b shows the equivalent circuit of a properly powered op amp. Though
the op amp itself does not have a ground pin, the ground symbol inside its equivalent
circuit models the power-supply common of Fig. 1.3a. The equivalent circuitincludes
the differential input resistance ry, the voltage gain a, and the output resistance r,,.
For reasons that will become clear in the next sections, ry4, a, and r, are referred to
as open-loop parameters and are symbolized by lowercase letters. The difference

Vp = Vp — VN (1.5)

is called the differential input voitage, and gain a is also called the unloaded gain
because in the absence of output loading we have

vo =avp =a(vp —vyN) (1.6)

Since both input terminals are allowed to attain independent potentials with respect
to ground, the input port is said to be of the double-ended type. Contrast this with the
output port, which is of the single-ended type. Equation (!.6) indicates that the op
amp responds only to the difference between its input voltages, not to their individual
values. Consequently, op amps are also called difference amplifiers.

Reversing Eq. (1.6), we obtain

vp=— (1.7

which allows us to find the voltage v causing a given vo. We again observe that
this equation yields only the difference v p, not the values of vy and v p themselves.
Because of the large gain a in the denominator, vp is bound to be very small. For
instance, to sustain vo = 6 V, an unloaded 741 op amp needs vp = 6/200,000 =
30 11V, quite a small voltage. An unloaded OP-77 would need v p = 6/(12 x 10%) =
0.5 1V, an even smaller value!

in=0

FIGURE 1.4
Ideal op amp model.

The ldeal Op Amp

We know that to minimize loading, a well-designed voltage amplifier must draw
negligible (ideally zero) current from the input source and must present negligible
(ideally zero) resistance to the output load. Op amps are no exception, so we define
the ideal op amp as an ideal voltage amplifier with infinite open-loop gain:

a — 0o (1.8a)
Its ideal terminal conditions are
ry =00 (1.8b)
ro=0 (1.8¢)
ip=iy=0 (1.8d)

where i p and iy are the currents drawr by the noninverting and inverting inputs.
The ideal op amp model is shown in Fig. 1.4.

We observe that in the limit a — co we oblain vp — vg /oo — 0! This result is
often a source of puzzlement because it makes one wonder how an amplifier with zero
input can sustain a nonzero output. Shouldn’t the output also be zero by Eq. (1.6)?
The answer lies in the fact that as gain a approaches infinity, v 1) does indeed approach
zero, but in such a way as to maintain the product av p nonzero and equal to vg.

Real-life op amps depart somewhat from the ideal, so the model of Fig. 1.4 is
only a conceptualization. But during our initiation into the realm of op amp circuits,
we shall use this model because it relieves us from worrying about loading effects
s0 that we can concentrate on the role of the op amp itself. Once we have developed
enough understanding and confidence, we shall backtrack and use the more realistic
model of Fig. 1.3/ to assess the validity of our results. We shall find that the results
obtained with the ideal and with the real-life models are in much closer agreement
than we might have suspected, corroborating the claim that the ideal model, though
a conceptualization, is not that academic after all.

SPICE Simulation

Circuit simulation by computer has become a powerful and indispensable tool in
both analysis and design. In this book we shall use the popular program known as
PSpice to verify the results of our calculations. As we proceed, we shall develop op
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vp vo

e Yo

vy =

FIGURE L.$
Simple op amp model for PSpice.

amp models of increasing complexity. We begin with the basic model depicted in
Fig. 1.5. The following code reflects typical 741 op amp parameters at de:

*Simple op amp model

.subckt OA vP vN vO

rd vP VN 2Meg ;input resistance
ea 1 0 vP VN 200k  ;gain

ro 1 vo 75 joutput resistance
.ends OA

If a pseudo-ideal model is desired, then ry is left open, r, is shorted out, and the
source value is increased from 200k V/ V to some huge value, say, | GV/V. (However,
the reader is cautioned that too large a value may cause convergence problems.)

13
BASIC OP AMP CONFIGURATIONS

By connecting external components around an op amp, we obtain what we shall
henceforth referto as an op amp circuit. Itis crucial that you understand the difference
between an op amp circuit and a plain op amp. Think of the latter as a component
of the former, just as the external components are. The most basic op amp circuits
are the inverting, noninverting, and buffer amplifiers.

The Noninverting Amplifier

The circuit of Fig. 1.6a consists of an op amp and two extemal resistors. To under-
stand its function, we need to find a relationship between vo and vy, To this end we
redraw it as in Fig. 1 .6b, where the op amp has been replaced by its equivalent model
and the resistive network has been rearranged to emphasize its role in the circuit.
We can find v via Eq. (1.6); however, we must first derive expressions for v p and
vy .- By inspection,

vp = vy (1.9)
Using the voltage divider formula yields vy = [Ry/(R| + Ry}]vo, or
T 1+ Ry/Ry

The voltage vy represents the fraction of v that is being fed back to the invert-
ing input. Consequently, the function of the resistive network is to create negative

VN (1.10)

Amplifier

Feedback
network

Yo

(a) (b)

FIGURE 1.6
Noninverting amplifier and circuit model for its analysis.

feedback around the op amp. Letting vp = a{vp — vy), we get

1
V0=a(|f’l_mvo) (1.1h)

Collecting terms and solving for the ratio v /v;, which we shall designate as A,
yields, after minor rearrangement,

Vo Ry 1
A=—-==|l1+—"}—-rrnr— A2
vi ( +R|) 141+ Ry/R)/a (-12)

This result reveals that the circuit of Fig. 1.6a, consisting of an op amp plus a resistor
pair, is itself an amplifier, and that its gain is A. Since A is positive, the polarity of
vo is the same as that of vj—hence the name noninverting amplifier.

The gain A of the op amp circuit and the gain a of the basic op amp are quite
different. This is not surprising, as the two amplifiers, while sharing the same output
v, have different inputs, namely, v, for the former and v p for the latter. To under-
score this difference, a is referred to as the open-loop gain, and A as the closed-loop
gain, the latter designation stemming from the fact that the op amp circuit contains a
loop. In fact, starting from the inverting input in Fig. 1.6, we can trace a clockwise
loop through the op amp and then through the resistive network, which brings us
back to the starting point.

EXAMPLE 12. Inthecircuit of Fig. 1 6a,letv, = 1 V, R; =2kQ,and R; = 18 k2.
Find vo if (a) @ = 10 VIV, (b) a = 10* VIV, (¢) a = 10° V/V. Comment on your
findings.

Solution. Equation (1.12) givesvo /1= (1 + 18/2) /(1 + 10/a),0r v = 10/(1 + 10/u).
So

(@) vo = 10/(1 +10/10%) = 9.091 V,
&) vo=99%V,
(c) vo =9.9999V,

The higher the gain a, the closer vy is to 10.0 V.
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1deal Closed-L.oop Characteristics

Letting @ — oo in Eq. (1.12) yields a closed-loop gain that we refer to as ideal:

R

Aideat = Jim A =1+ 32 (1.13)
In this limit A becomes independent of a and its value is set exclusively by the
external resistance ratio, R/ Ry. We can now appreciate the reason for wanting
« — 00. Indeed, a circuit whose closed-loop gain depends only on a resistance ratio
offers tremendous advantages for the designer since it makes it easy to tailor gain
(o the application at hand. For instance, suppose you need an amplitier with a gain
ol 2 V/V. Then, by Eq. (1.13), pick Ry/R; = A~ | = 2 — 1 = I; for example,
pick R| = R; = 100 k2. Do you want A = 10 V/V? Then pick R3/R| =9, for
example, Ry = 20 k&2 and R> = 180 k2. Do you want an amplifier with variable
gain? Then make R or Ry variable by means of a potentiometer (pot). For example,
il Ry is a fixed 10-kQ resistor and Rz ts a 100-k2 pot configured as a variable
resistance from O £ to 100 k€2, then Eq. (1.13) indicates that the gain can be varied
over the range 1 VIV < A < |l V/V. No wonder it is desirable that a — oco. It
leads to the simpler expression of Eq. (1.13) and it makes op amp circuit design a
real snap!

Another advantage of Eq. (1.13) is that gain A can be made as accurate and stable
as needed by using resistors of suitable quality. Actually it is not even necessary that
the individual resistors be of high quality; it only suffices that their ratio be so,
For example, using two resistances that track each other with temperature so as
to maintain a constant ratio will make gain A temperature-independent. Contrast
this with gain a that depends on the characteristics of the resistors, diodes, and
transistors inside the op amp, and is therefore sensitive to thermal drift, aging,
and production variations. This is a prime example of one of the most fascinating
aspects of clectronics, ramely, the ability to implement high-performance circuits
using inferior components!

The advantages afforded by Eq. (1.13) do not come for free. The price is the size
ol gain a needed to make this equation acceptable within a given degree of accuracy
{more on this will follow). It is often said that we are in effect throwing away a good
deal of open-loop gain for the sake of stabilizing the closed-loop gain. Considering
the benefits, the price is well worth paying, especially with IC technology, which,
in mass production, makes it possible to achieve high open-loop gains at extremely
low cost.

Since the op amp circuit of Fig. 1.6 has proven to be an amplifier itself, besides
gain A it must also present input and output resistances, which we shall designate
as R; and R,, and call the closed-loop input and output resistances. You may have
noticed that to keep the distinction between the parameters of the basic op amp
and those of the op amp circuit, we are using lowercase letters for the former and
uppercase letters for the latter.

Though we shall have more to say about R; and R,, from the viewpoint of neg-
ative feedback in Section 1.6, we presently use the simplified model of Fig. 1.6
10 state that R; = oo because the noninverting input terminal appears as an open
circuit, and R, =0 because the output comes directly from the source avp.

Hl—O

(a) (b}

FIGURE 1.7
Noninverting amplifier and its ideal equivalent circuit.

In summary,

R; =00 R, =0 (L.14)

which, according to Table 1.1, represent the ideal terminal charactistics of a voltage
amplifier. The equivalent circuit of the ideal noninverting amplifier is shown in
Fig. 1.7.

The Voltage Follower

Letting R} = oo and Ry = 0 in the noninverting amplifier turns it into the unity-gain
amplifier, or voltage follower, of Fig. 1.8a. Note that the circuit consists of the op amp
and a wire to feed the entire output back to the input. The closed-loop parameters
are

A=1VIV R=c0 R,=0 (1.15)

and the equivalent circuit is shown in Fig. 1.8b. As a voltage amplifier, the follower
is not much of an achiever since its gain is only unity. lts specialty, however, is to
act as a resistance transformer, since looking into its input we see an open circuit,
but looking into its output we see a short circuit 1o a source of value v = vy.

To appreciate this feature, consider a source vs whose voltage we wish to apply
across a load R . If the source were ideal, all we would need would be a plain wire
to connect the two. However, if the source has nonzero output resistance Ry, as in
Fig. 1.9a, then R; and Ry will form a voltage divider and the magnitude of v, will
be less than that of vg because of the voltage drop across Rs. Let us now replace

—O vy =

i—o

(a) ()

FIGURE 1.8
Voltage follower and its ideal equivalent circuit.
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FIGURE 1.9 . .
Source and load connected (a) direetly, and (£) via a voltage follower o
climinate loading.

the wire by a voltage follower as in Fig. 1.9b. Since the follower has R; = o0, there
is no loading at the input, so v; = vg. Moreover, since the foll()\{ver has R, = 0,
loading is absent also from the output, so v; = v; = vg, indicating l‘hat R; now
receives the full source voltage with no losses. The role of the follower is thus to act
as a buffer between source and load.

We also observe that now the source delivers no current and hence no power,
while in the circuit of Fig. 1.9a it did. The current and power drawn by Ry are
now supplied by the op amp, which in turn takes them from its power supplies,
not explicitly shown in the figure. Thus, besides restoring v, to the full value of
vs, the follower relieves the source vg from supplying any power. Th.e need for a

~ buffer arises so often in electronic design that special circuits are available whose
performance has been optimized for this function. The BUF-03 (Analog Devices) is
a popular example.

The Inverting Amplifier

Together with the noninverting amplifier, the inverting configuration qf Fig. I.I.Oa
constitutes a cornerstone of op amp applications. The inverting amplifier was in-
vented before the noninverting amplitier because in their early days op amps had only
one input, namely, the inverting one. Referring 1o the equivalent circuit of Fig. 1.106,

Vo

() (&3]

FIGURE 1.10 .
Inverting amplitier and circuit model for its analysis.

we have
ve =0 (1.16)

Applying the superposition principle yields vy =[Ry/(R1+ R)lv; +
[Ry/(R) + Ra)lvo, or
| |
STrRR T T RR
Lettingvp = a(vp —vy) yields

VN (1.17)

I i
vO:a(—l+R|/R2v’_l+R2/R|v0) (L.18)

Comparing with Eq. (1.11), we observe that the resistive network still feeds the
portion 1/(1 + R2/R)) of v back to the inverting input, thus providing the same
amount of negative feedback. Solving for the ratio vo/vy and rearranging, we obtain

Yo R 1
a0 _(_ K _ vV
Vi ( R1) 1+ (1+ Ry/Ry)/a (1.19)

Our circuit is again an amplifier However, the gain A is now negative, indicating
that the polarity of v will be opposite to that of v 7. This is not surprising, because
we are now applying v; to the inverting side of the op amp. Hence, the circuit is
called an inverting amplifier. If the input is a sine wave, the circuit will introduce a
phase reversal, or, equivalently, a 180° phase shift.

Ideal Closed-Loop Characteristics
Letting « — oo in Eq. (1.19), we obtain
. R
Aideal = fim 4= - 22 (1.20)

That is, the closed-loop gain again depends only on an external resistance ratio,
yielding well-known advantages for the circuit designer. For instance, if we need
an amplifier with a gain of —5 V/V, we pick two resistances in a 5: | ratio, such as
Ry =20k and Ry = 100 k2. If, on the other hand, Ry is a fixed 20-kS2 resistor
and R; is a 100-kS2 pot configured as a variable resistance, then the closed-loop gain
can be varied anywhere over the range ~5 V/V < A < 0, Note in particular that the
magnitude of A can now be controlled all the way down 10 zero.

We now turn to the task of determining the closed-loop input and output resis-
tances R; and R,. Since vp = v /a is vanishingly small because of the large size
of 4, it follows that v is very close to v p, which is zero. In fact,in the limitg — oo,
vy would be zero exactly, and would be refetred to as virrual ground because to an
outside observer things appear as if the inverting input were permanently grounded.
We conclude that the effective resistance seen by the input source is just ;. More-

over, since the output comes directly from the source avp, we have R, = 0. In
summary,

R; =R Ry=0 (1.21)
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(a) (&)

FIGURE 1.1t
Inverting amplifier and its ideal equivalent circuit.

The equivalent circuit of the inverting amplifier is shown in Fig. 1.11.

§ EXAMPLE13. UsePS3piceto verify the values of R;, A, and R, in the circuitof Fig. 1.11
if Ry = 10k and R; = 100 kS2.

The PSpice input file is as follows.

Inverting amplifier
@ vil0 ac 1v
R1 12 10k
R2 2 3 100k
eca 3 020 16
Jtf v(3) vi

.end

After running PSpice, we get the following output-file printout:

v{3)/vi = -1.060E+01
Input resistance at vi = 1.000E+04
Output resistance at v{3) = 0.000E+00

This confirms that R; = 10kQ2, A = —i0V/V,and R, = 0.

Unlike its noninverting counterpart, the inverting amplifier will load down the
input source if the source is nonideal. This is depicted in Fig. 1.12. Since in the limit
a — 09, the op amp keeps vy — 0 V (virtval ground), we can apply the voltage
divider formula and write

R

= ——y
“"ERIRS

(1.22)

FIGURE 1.12
Input loading by the inverting amplifier.

Solution. To obtain the transfer and terminal characteristics, we use the . t£ statement.

indicating that {v;| < |vg|. Applying Eq. (1.20), vy /v; = —Ry/Ry. Eliminating
vy, we obtain

L Ry
vs R: + Ry (123)
Because of loading at the input, the magnitude of the overall gain, Ry2/(R; + R),
is less than that of the amplifier alone, R>/R). The amount of loading depends on
the relative magnitudes of R; and Ry, and only if Ry < Ry can loading be ignored.
We can look at the above circuit also from another viewpoint, Namely, to find
the gain vy /vg, we can still apply Eq. (1.20), provided, however, that we regard R,
and Ry as a single resistance of value R; + R). Thus, v /vs = —Ra/(Rs + R|).
the same as above.

14
IDEAL OP AMP CIRCUIT ANALYSIS

Considering the simplicity of the ideal closed-loop results of the previous section,
we wonder whether there is not a simpler technique to derive them, bypassing some
of the tedious algebra. Such a technique exists and is based on the fact that when
the op amp is operated with negative feedback, in the limit & — oo its input voltage
vp = vo/a approaches zero,

lim vy =0 .
2 v (1.24)
or,since vy =vp —vp =vp — vp/a, vy approaches vp,
lim vy =vp (1.25)
(g 00

This property, referred to as the input voltage constraint, makes the input terminals
appear as if they were shorted together, though in fact they are not. We also know that
an ideal op amp draws no current at its input terminals, so this apparent short carries
no current, a property referred to as the input current constraint. In other words, for
voltage purposes the input port appears as a short circuit, but for current purposes it
appears as an open circuit! Hence the designation virtual short. Summarizing, when
operated with negative feedback, an ideal op amp will output whatever voltage and
curreni it takes to drive vp to zero or, equivalently, to force vy to track vp, but
without drawing any current at either input terminal.

Note that it is vy that follows v p, not the other way around. The op amp controls
vy viathe external feedback network. Without feedback, the op amp would be unable
to influence vy and the above equations would no longer hold.

To better understand the action of the op amp, consider the simple circuit of
Fig. 1.13a, where we have, by inspection, i =0,v) =0, v2 =6 V,and vy =6 V.
If we now connect an op amp as in Fig. 1.13b, what will happen? As we know, the
op amp will drive vy to whatever it tukes to muke va = v, To find these voliages,
we equate the current entering the 6-V source to that exiting it; or

0-vi _(m+6)—w
T 30
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FIGURE 1.13
The effect of an op amp in a circuit.

Letting v» = v and solving yields v| = —2 V. The current is
0-
i = i 3 =0.2mA
10 10

and the output voltage is
v3i=v—200=-2-20x02=-6V

Summarizing, as the op amp is inserted in the circuit, it swings v3 from6 Vto —6 V
because this is the voltage that makes v = v|. Consequently, v| is changed from
0 Vio -2V, andvs from 6 V to —2 V. The op amp also sinks a current of 0.2 mA
at its output terminal, but without drawing any current at either input,

The Basic Amplifiers Revisited

1t is instructive o derive the noninverting and inverting amplifier gains using the
concepl of the virtnal short. In the circuit of Fig. 1.14a we exploit this concept to
label the inverting-input voltage as v;. Applying the voltage divider formula, we
have vy = v /(1 + Ra/R)), which is readily turned around to yield the familiar
relationship vp = (1 + R3/Ry)v;. In words, the noninverting amplifier provides
the inverse function of the voltage divider: the divider attenuates v to yield vy,
whercas the amplificr magnifies vy by the inverse amount to yield vy, This action
can be visualized via the lever analog depicted above the amplifier in the figure. The
lever pivots around a point corresponding to ground. The lever segments correspond
to resistances, and the swings correspond to voltages.

In the circuit of Fig. 1.14b we again exploit the virtual-short concept to label
the inverting input as a virtual ground, or 0 V. Applying KCL, we have (v; - 0)/
R =0 —v@p)/Ra, which is readily solved for v to yield the familiar relation-
ship vp =(—Ra/R)v;. This can be visualized via the mechanical analog shown
above the amplifier. An upswing (downswing) at the input produces a downswing
(upswing) at the output. By contrast, in Fig. 1.14a the output swings in the same
direction as the input.

So far, we have only studied the basic op snp conligurations. It is time 1o
familiarize ourselves with other op amp circuits. These we shall study using the
virtual-short concept. .

L)
R, Vo v R
= = RZ ‘o
Ry, R R ov R
= VI
Yo Yo
vy =
(a) (2]
FIGURE 1.14
Mechanical analogies of the noninverting and the inverting
amplifiers.
The Summing Amplifier

The _summing amplifier has two or more inputs and one output. Though the example
of Fig. '1.15 has three inputs, v, v2, and v3, the following analysis can readily be
generalized to an arbitrary number of them. To obtain a relationship between output

and inputs, we impose that the total current entering the virtual-ground node equal
that exiting it, or

i\ +ia+is=if

Summing junction (0 V)

FIGURE 1.15
Summing amplifier.
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For obvious reasons, this node is also referred to as a summing junction. Using Ohm'’s
law, (vi — 0}/ Ry + (v2 = 0)/R2 + (v3 = 0)/R3 = (0 —vo)/RF, 0r

v

nwon . vn__ve

Ry Ry R Rp
We observe that thanks to the virtual ground, the input currents are linearly propor-
tional to the corresponding source voltages. Moreover, the sources are prevented from
interacting with each other—a very desirable feature should any of these sources be
disconnected from the circuit. Solving for v yields

RF RF RF )
vo=—\|-—=vi+t—v2+ —v
(4] ( R, | R; V2 Rs 3

indicating that the output is a weighted sum of the inputs (hence the name sum-
ming amplifier), with the weights being established by resistance ratios. A popular
application of summing amplifiers is audio mixing.

Since the output comes directly frem the dependent source inside the op amp,
we have R, =0. Moreover, because of the virtual ground, the input resistance
Rix (k=1,2, 3) seen by source v; equals the corresponding resistance Ry. In sum-
mary,

(1.26)

Rix = Ri
R,=0

k=1,273
(1.27)

If the input sources are nonideal, the circuit will load them down, as in the case of
the inverting amplifier. Equation (1.26) is still applicable provided we replace Ry by
Rsk + Ry in the denominators, where Ry is the output resistance of the kth input
source.

EXAMPLE 14 Using standard 5% resistances, design a circuit such that vp =
=2(3v; + 4vy + 2v3).

Solution. By Eq. (1.26) we have Rz/R, = 6, Ry/R; = 8, Rp/ Ry = 4. One possible
standard resistance set satisfying the above conditions is Ry = 20 kQ, R; = 15 k2,
Ry =30kQ, and Ry = 120 k2.

EXAMPLE 15. In the design of function generators the need arises to offset as well
as amplify a given voltage v; to obtain a voltage of the type vy = Av; + Vg, where
Vi is the desired amount of offset. An offsetting amplifier can be implemented with a
summing amplifier in which one of the inputs is v; and the other is either Ve or Vg,
the regulated supply voltages used to power the op amp. Using standard 5% resistances,
design a circuit such that vp = —10v, + 3 V.

Solution. The circuit is shown in Fig. 1.16. Imposing vo = —(Rp/R1)v; — (Rf/R2)
(—15) = —10v; + 5, we find that a possible resistance setis R, = 10k, R, = 300kQ,
and Rr = 100 k€, as shown.
If Ry = Ry = Ry, then Eq. (1.26) yields
R
vo =-R—F(v. +vy+v3) (1.28)
i

that is, vo is proportional to the true sum of the inputs. The proportionality constant
—Rp/Rj canbe varied all the way down to zero by implementing R with a variable

.3 Ry

A4 -
VI@ 10k$2 100kQ

R, +15V +| 15V

FIGURE 1.16
A dc-offsetting amplifier.

resistance. If all resistances are equal, the circuit yields the (inverted) sum of its
inputs, vo = —(v1 +va + v3).

The Difference Amplifier

As shown in Fig. 1.17, the difference amplifier has one output and two inputs, one
of which is applied to the inverting side, the other to the noninverting side. We can
find v via the superposition principle as vo = vy + vo2, where v is the value
of v with v set to zero, and v 3 that with v set to zero.

Letting vo = 0 yields vp = 0, making the circuit act as an inverting amplifier

with respect to v|. So vg) = —(R2/R1)vy and R;; = Ry, where R is the input
resistance seen by the source v;. -
Letting vi = 0 makes the circuit act as a noninverting amplifier with re-

spect to vp. Sovpa = (1 + Ry/Rj)vp=(1+ R2/Ry) % [Ra/(R3 + Ry)lv; and
Ri» = R3+ R4, where R;; is the input resistance seen by the source v5. Lelting
vo =Vvoi + Vo2 and rearranging yields

BLY(ELTI N,

TR \14Ry/Ry (1.29)

FIGURE 1.17
Difference amplifier.
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Moreover,
Ry =R Rix=Ri+ Ry R,=0 (1.30)

The output is again a linear combination of the inputs, but with coefficients of
opposite polarity because one input is applied to the inverting side and the other
1o the noninverting side of the op amp. Moreover, the resistances seen by the input
sources are finite and, in general, different from cach other. [f these sources are
nonideal, the circuit will load them down, generally by different amounts. Let the
sources have output resistances Ryj and Ryn. Then Eq. (1.29) is still applicable
provided we replace X by Ry + R and R3 by Rya + R3.

EXAMPLE 1.6. Design a circuit such that vy =v; — 3v, and R;) = Rix = 100 kQ2.

Solution. By Eq. {1.30) we must have Ry = Ry = 100 k2. By Eq. (1.29) we must
have R:/R, = 3. s0 R; = 300 k. By Eq. (1.30) Ry + Ry = Ri» = 100 k2. By
Eq.(1.29), 3[(1 + 1/3)/{1 + Ry/R)] = 1. Solving the last two equations for their two
unknowns yields Ry = 75 k€2 and Ry = 25 k.

An interesting case arises when the resistance pairs in Fig. 1.17 are in equal
ratios:

Ry R

Ry TRy
When this condition is met, the resistances are said to form a balanced bridge, and
Eq. (1.29) simplifies to

(131

R
vo = 22 (v2 = ) (1.32)
Ry
The output is now proportional to the true difference of the inputs—hence the name

of the circuit. A popular application of the true difference amplifier is as a building
block of instrumentation amplifiers, to be studied in the next chapter.

The Differentiator

To find the input-output relationship for the circuit of Fig, 1.18, we start out by
imposing ic =ig. Using the capacitance law and Ohm’s law, this becomes

-
v fc
Lo gt

FIGURE 1.18
The op amp differentiator.

Cd(vy —0)/dt = (0—vp)/R,0r
dvi(r)
di

The circuit yields an output that is proportional to the time derivative of the input—
hence the name. The proportionality constant is set by R and C. and its units are
seconds {s).

¥f you try out the differentiator circuit in the lab, you will find that it tends to
oscillate. Its stability problems stem from the open-loop gain rolloff with frequency,
an issue that will be addressed in Chapter 8. Suffice it to say here that the circuit
is usvally stabilized by placing a suitable resistance Ry in series with C. After this
modification the circuit will still provide the differentiation function, but only over
a limited frequency range.

vo(t) = —RC

(1.33)

The Integrator

The analysis of the circuit of Fig. 1.19 mirrors that of Fig. 1.18. Imposing ig = ic,
we now get (v —0)/R=Cd(0—vp)/dt,ordvo(t)=(—1/RC)v;(t) dt. Chang-
ing t to the dummy integration variable £ and then integrating both sides from
01to ¢ yields

| ]
vo(t) = ~RC Jo Vi) dE +vol0) (1.34)

where v (0) is the value of the output at # = 0. This value depends on the charge ini-
tially stored in the capacitor. Equation (1.34) indicates that the output is proportionai
to the time integral of the input—hence the name. The proporticnality constant is
set by R and C, but its units arc now ™', Mirroring the analysis of the inverting
amplifier, you can readily verify that

Ri=R R, =0 (1.35)

Thus, if the driving source has an output resistance Ry, in order to apply Eq. (1.34)
we must replace R with Ry + R.

The op amp integrator, also called a precision integrator because of the high
degree of accuracy with which it can implement Eq. (1.34), is a workhorse of
electronics. It finds wide application in function generators (triangle and sawtooth
wave generators), active filters (state-variable and biquad filters, switched-capacitor

FIGURE 1.19 P
The op amp integrator.

21
SECTION 1.4
Ideal Op Amj.

Circuit Analysj



22

CHAPTER |
Operational
Amplifier
tFundamentals

lilters), analog-to-digital converters (dual-slope converters, quantized-feedback con-
verters), and analog controllers (P1D controllers).

If v; (1) = 0, Eq. (1.34) predicts that v (f) = v (0) = constant. In practice,
when the integrator circuit is tried out in the lab, it is found that its output will drift
until it saturates at a value close to one of the supply voltages, even with v; grounded.
This is due to the so-called input oftset error of the op amp, an issue to be discussed
in Chapter 5. Suffice it to say here that a crude method of preventing saturation is
to place a suitable resistance R, in parallel with C. The resulting circuit, called a
lossy integrator, will still provide the integration function, but only over a limited
frequency range. Fortunately, in most applications integrators are placed inside a
control loop designed to automatically keep the circuit away from saturation, at least
under proper operating conditions, thus eliminating the need for the aforementioned
parallel resistance.

The Negative-Resistance Converter (NIC)

We conclude by demonstrating another important op amp application beside signal
processing, namely, impedance transformation. To illustrate, consider the plain re-
sistance of Fig. 1.20a. To find its value experimentally, we apply a test source v, we
measure the current i out of the source’s positive terminal, and then we let Req = v/,
where Req is the value of the resistance as seen by the source. Clearly, in this simple
case Req = R. Moreover, the test source releases power and the resistance absorbs
power.

Suppose we now lift the lower terminal of R off ground and drive it with a
noninverting amplifier with the input tied to the other terminal of R, as shown in
Fig. 1.20b. The current isnow i = [v — (1 + R2/R\Wl/R = —Rav/(RR). Letting
Req = v/i yields

R
Req=—R—2R (1.36)
indicating that the circuit simulates a negative resistance. The meaning of the
negative sign is that current is now actually flowing infe the test source’s positive

R R,

(a) h

FIGURE 1.20
{a) Positive resistance: Ry = R.( b) Negative-resistance converter:
ch = *“(RI/R2)R

terminal, causing the source to absorb power. Consequently, a negative resistance
releases power.

If Ry = Rz, then Req = —R. In this case the test voltage v is amplified to 2v by
the op amp, making R experience a net voltage v, positive at the right. Consequently
i=—v/R=v/(—R).

Negative resistances can be used to neutralize unwanted ordinary resistances,
as in the design of current sources, or to control pole location, as in the design of
active filters and oscillators.

Looking back at the circuits covered so far, note that by interconnecting suit-
able components around a high-gain amplifier we can configure it for a variety of
operations: multiplication by a constant, summation, subtraction, differentiation,
integration, and resistance conversion. This explains why it is called operational!

1.5
NEGATIVE FEEDBACK

Section 1.3 informally introduced the concept of negative feedback. Since the ma-
Jority of op amp circuits employ this type of feedback, we shall now discuss it in a
more systematic fashion.

Figure 1.21 shows the basic structure of a negative-feedback circuit. The arrows
indicate signal flow, and the generic symbol x stands for either a voltage or a current
signal. Besides the source and load, we identify the following basic blocks:

1. Anamplifier, also called error amplifier in control theory, which accepts the signal
x4 and yields the output signal

X, =axg ( l.3%)\

where a, the forward gain of the amplifier, is called the open-loop gain of the
circuit.
2. A feedback netwark, which samples x,, and produces the feedback signal

xf =Po (1.38)

where B, the gain of the feedback network, is called the feedback factor of the
circuit.
3. A summing network, denoted I, which generates the difference

xdzx"—Xf (1.39)

also called the error signal. The designation negative feedback stems from the

Load
FIGURE 1.21
Block diagram of a negative-feedback
system.
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fact that we are in effect feeding a portion of x, back to the input, where it is
then subtracted from x; to yield the reduced signal x;. Were it added instead,
the feedback wuntd be positive. For reasons that will become clearer as we
proceed, negative feedback is also said to be degenerative, and positive feedback
regenerative.

Eliminating x ;7 and x4 from the above equations and solving for the ratio A =
xo/x; yields

_ a
T i+ap

where A is called ' gain of the circuit. Note that for feedback to be
negative we must have up - 0, Consequently, A will be smaller than a by the amount
1 + af, which is aptly called the amount of feedback.

As a signal propagates around the loop made up of the amplifier, feedback
network, and sumsmer, it experiences an overall gain of a x 8 x (—1), or —ap. Its
negative is called the requrn ratio or, more commonly, the loop gain,

(1.40)

T =ap (1.41)

and it allows us to express Eq. (1.40)as A = (1/8)T/(1 + T). Letting T — oo
yields the ideal situation

l

that is, A becomes independent of a and is set exclusively by the feedback network.
By proper choice of the topology of this network as well as the quality of its
components, we can tailor the circuit to a variety of different applications. For
instance, specifying 0 < g < 1 will cause x,, to be a magnified replica of x; since
1/8 > 1. Conversely, implementing the feedback network with reactive elements
such as capacitors will yield a frequency-selective circuit with the transfer function
H(jf) = 1/B(jf); filters and oscillators belong to this class of circuits.
Henceforth we shall express the closed-loop gain in the insightful form

T (1.43)

A = Ajgeq X

If we detine

W:I—H_—T:I—s (1.44)

Error function =

then Eq. (1.43) can be expressed as A = Ajgeqi(1 — €}, where € = 1/(1 + T) is the
[fractional deviatic ' ..om the ideal. The higher the amount of feedback 1 + T,
the smaller is the tructional error €, and the closer the error function is to unity. The
guin error is the percentage deviation of A from the ideal. For T > | we have

A — Ajdeal

|
Gain error (%) = 100—————— = _E

14
Ajgeql T (143

EXAMPLE 1.7. (a) Find the loop gain needed 1o approximate Ay, within 0.1%.
(b) Find the open-loop gain needed to achieve A = 100 with the above degree of
accuracy. {c) With the value of a found in (), find 8 so that A = 100 exactly.

Solution.

(a} ByEq.(1.45), we want 100/T <0.1. Consequently, we need T > 10°.

(b) For Aigeq = 1/8 = 100 we need B = 1072 Then ap > H implies a >
/1072 = 105,

(c) Imposing 100 = 10°/(1 + 10°8) yields B = 9.99 x 102,

This example evidences the price for a tight closed-loop accuracy, namely, the
need to start out with a > A. As we close the loop around the error amplifier, we are
in effect throwing away a good deal of open-loop gain, namely, the amount 1 4+ T,
It is also evident that for a given a, the smalier the closed-loop gain A, the smaller
its percentage deviation from the ideal,

It is instructive to examine the effect of negative feedback also on the signals
xg and xr. We have xy = xo/a = Ax;Ja = (Aja)x;, or

Xy = ——x; (1.46)

Moreover, xy = Bx, = BAx;, or

Xf=———x;

¥ l+l/Tx' (1.47)
AsT - 00, the error signal x; will approach zero, and the feedback signal x ; will
track the input signal x;. This is the familiar virtual short introduced in the previous
section.

) 'The most direct implementation of the feedback structure of Fig. 1.21 is the fa-
'rmllar' nor'lmvcning amplifier. As shown in Fig. 1.22, the feedback signal is the
|nvertlng~m[_)ul V(?ltuge vy = Bvg, where B = R|/(R| + Ra). Moreover, since
the op amp is a difference amplifier, the operation of subtraction of vy from v; is
performed implicitly by the op amp itself.

Gain Desensitivity

We wisl_l to invgstigute how variations in the open-loop gain « affect the closed-
loop gain A. Differentiating Eq. (1.40) with respect to a an' -implifying yields

(a) [€)]

FIGURE 1.22
The noninverting amplifier as a negative-feedback system.
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dA/da = /(1 +af)?. Since | + af = a/A, we can write, after rearranging,

dA ! da
=“_-__ = 1.48
A 1+T a ( )
Replacing differentials with finite increments and multiplying both sides by 100, we
can approximate
AA 1 Aa
10— = ——{ 100— 1.49
A 1+T ( a ) ( )

indicating that the effect of a given percentage change ina upon A isreducedby ! + T
For T sufficiently large, even a substantial change in a will cause an insignificant
change in A. 1t is apparent that negative feedback desensitizes gain, and this is the
reason why | + T is also called the desensitivity factor. The stabitization of A is
highly desirable because the open-loop gain a of a practical amplifier is ill-defined
due to process variations, thermal drift, aging, and power-supply variations.

Evaluating d A /dp and proceeding in a similar fashion, we find that for T suffi-
ciently large,

l()()ﬂ = —I()()éﬁ (1.50)
A B

A given increase (or decrease) in B will cause A to decrease {or increase) by the same
amount, indicating that negative feedback does not stabilize A against variations in
B. Hence the need to implement the feedback network with components of adequate
quality and tracking capabilities.

EXAMPLE 18. A negative-feedback circuithasa = 1P and 8 = 1072 (a) Estimate the
percentage change in A brought about by a £10% change in a. (b) Repeat if 8 =1.

Solution,

(a) The desensitivity factoris 1 + T =1+ 10° x 1073 = 101. Thus, a £10% change
in a wiil cause a percentage change in A 10| times as small; that is, A changes by
+10/101 = 0.1%.

(b) Now the desensitivity increases to | 4 10° x | = 10°. The percentage change in
A is now £10/10° = 0.0001%, or one part per million (I ppm). We note that for a
given a, the lower the value of A, the higher the desensitivity because 1 + T = a/A.

Nonlinear Distortion Reduction

A convenient way of visualizing the transfer characteristic of an amplifier is by
means of its transfer carve, that is, the plot of its output x,, versus its input x;. Since
a linear amplifier yields x, = axg, its curve is a straight line with slope a. However,
the transfer curve of a practical amplifier is usually nonlinear, and the gain a must
more generally be defined as

dx,
a =
dxg

(151

The top curve in Fig. 1.23q is the voltage transfer curve (VTC) of an amplifier having

the characteristic

1%
vo = V, tanh 7‘: (1.52)

where Vy and V;, are suitable input and output scaling voltages. In the present case
V4 = 107* Vand V, = 10 V. The curve is approximately linear near the origin,
but as the operating point is moved toward the periphery, the slope decreases until
the curve eventually flattens out and saturates at £V, = £10 V. As shown in the
bottom curve in Fig. 1.23«, the slope, or gain a, is maximum at the origin, decreases
away from the origin, and finally drops to zero in saturation. A nonlinear curve
yields a distorted output even if the peak values are kept below the saturation limits.
For instance, applying a sinusoidal input will result in a pseudosinusoidal output
with the top and bottom flattened out because of the decreased gain away from the
origin.

Consider now the effect of applying negative feedback around such an amplifier.
In light of Eq. (1.42) we expect that as long as a is sufficiently large to make
T > 1, A will be fairly constant and close to 1/8 in spite of the decrease of a
away from the origin. This is also confirmed by Eq. (1.49). Figure 1.23b shows the
effect of applying feedback with 8 = 0.1 V/V. The closed-loop curve is much more
linear than the open-loop curve, and it is so over a wider signal range. Of course,
as we approach saturation, where a drops to zero, the linearizing effect of negative

Yo (V) o tV)
- s
Open-loop
vTC Closed-loop
vTC
1 La vy (V) 1 Ly v (V)
-300 0 w0 s 0 el
~H) - -10 -
dvgldvy, (VIimY) dvyldvy (VIV)
(] =
100 10] Closed-
loop
gain A
Open-loop
gainw
Yp V) (V)
300 0 a0 ” s 0 s !
(a) {b)
FIGURE 1.23

The linearizing effect of negative feedback.
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feedback no longer applies because of the lack of loop gain there; hence, A itself
drops to zero.

It is instructive to carry out a computer simulation to visualize the various
waveforms in the circuit. Using the noninverting configuration of Fig. 1.22a, we
write the foHowing PSpice lile:

Waveforms with a nonlinear open-loop VTC
*y0 = 10 tanh (10,000*vD)
vI 1 0 pulse (-0.9V 0.9v -0.25ms 0.5ms 0.5me lus ims}

rd 1 2 1Meg iinput resistance
R1 0 2 2k ;beta = R1/(R1+R2)
Rz 2 3 18k ;beta = 0.1

eOA 3 0 value = (107{{2xp(2B4*v(L,2))-1)/(exp(2B4*v(1,2))+1})}
.tran 100us 2ms Oms 100us

.probe ivI=v(l), vO=v(3), vD=v{(1,2)

.end

The PSpice waveforms of Fig. 1.24 indicate that v is a magnified and fairly undis-
torted replica of v, as expected. Note, however, how distorted v p is! It is the error
amplifier itself that predistorts vy, via the feedback network, in order to compensate
for its own distorted VTC and thus yicld an undistorted output.

Output w0

Error signal m'

200UV 4 ---comreanma e gommmmeeemoneen P
Os .':II 1.0me 1.508 2.0n8
e v(1,2)
Tine

FIGURE 1.24
Effect of a nonlinear VTC on signal waveforms.

FIGURE 1.25
Investigating the effect of negative feedback on distur-
bances and noise.

Effect of Feedback on Disturbances and Noise

Negative feedback provides a means also for reducing circuit sensitivity to certain
types of disturbances. Figure 1.25 illustrates three types of disturbances: x), entering
the circuit at the input, might represent unwanted signals such as input offset errors
and input noise, both of which will be covered in later chapters; x2, entering the
circuit at some intermediate point, might represent power-supply hum; x3, entering
the circuit at the output, might represent output load changes.

To accommodate x3, we break the amplifier intotwo stages with individual gains
a; and a3. The overall forward gain is then @ = ay x a;. The output is found as
xo = x3 +az[x2 +ay(x; — Bxp +x)), or

aja X3 X3
= —— | X;+x1+—+— 1.53
e 1 +ajazp ( P aj +a|az) (139

We observe that x) undergoes no attenuation relative to x;. However, x, and x3
are attenuated by the forward gains from the input to the points of entry of the
disturbances themselves. This feature is widely exploited in the design of audio
amplifiers. The output stage of such an amplifier is a power stage that is usuaily
afflicted by an intolerable amount of hum. Preceding such a stage by a high-gain,
low-noise preamplifier stage and then closing a proper feedback loop around the
composite amplifier reduces hum by the first-stage gain.

Foraja;8 > 1,Eq.(1.53)simplifiestox, = (1/B8)(x; + x| + xa/ay + x3/ajaz).
The quantity 1/8 is aptly called the noise gain because this is the gain with which
the circuit amplifies the input noise x;.

L6
FEEDBACK IN OP AMP CIRCUITS

We now wish to relate the concepts of the previous section to circuits based on op
amps. Figure 1.26 shows typical topologies for input summing and output sampling.
As we proceed, we shall make frequent references to these basic topologies.

In Fig. 1.26a we are summing voltages; since voltages are combined in se-
ries with each other, this is referred to as an input-series topology. By contrast, in
Fig. 1.26b we are summing currents, and this is an input-shunt topology. As a rule
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FIGURE 1.26
Negative-feedback topologies: (a) series at the input; (5) shunt
at the input; (¢} shunt at the output; and (d) series at the output.

of thumb, if the input and the feedback signals enter the amplifier at different nodes,
the input topology is of the series type; if they enter at the same node, it is of the
shunt type.

in Fig. 1.26¢ we are sampling the load voltage, an operation that is performed
in parallel, or shunt; hence this is an output-shunt topology. In Fig. 1.26d we are
using a series resistance R to sample the load current; hence this is an output-series
topology. As a rule of thumb, if we short (open) the output load and we still witness
some feedback signal at the input, then we are not sampling a voltage (current).

Using intuitive arguments, we expect negative feedback to alter not only the
gain but also the input and output resistances. Referring to Fig. 1.264, we know that
the op amp tends to reduce v4. The current v4/ry drawn from the input source will
thus be small, indicating that the input-series topology raises the input resistance. By
contrast, the input-shunt topology of Fig. 1.26b lowers the input resistance because
the voltage at the summing junction is forced to closely track the noninverting input
voltage, which in this case is ground.

Turning next to the voltage-sampling topology of Fig. 1.26¢ we observe that
a disturbance in the form of a load-current change will have a reduced effect on
the output voltage, implying that the output-shunt topology lowers the output resis-
1ance. Conversely, the output-series topology raises the output resistance because a
load-voltage change will have a reduced effect on the output current. In summary,
whether at the input or at the output port, a series topology raises and a shunt topology

lowers the corresponding port resistance. We will soon find that the amount of in-
crease or decrease is given by the amount of feedback itself!

To get a feel for the effects of negative feedback, let us investigate the basic
inverting and noninverting configurations, which are the workhorses of op amp
applications. Specifically, let us derive expressions for the closed-loop parameters
Ri, A, and R,, but using the full-fledged op amp model of Fig. 1.3b; then let us
compare the results with those of the ideal op amp of Section 1.4. This kind of
approach will be applied to ather circuits as well in subsequent chapters.

The Noninverting Configuration

_Comparipg Fig. 1.27 with Fig. 1.26a and ¢, we abserve that the noninverting amplifier
is of the input-series, output-shunt type, or series-shunt for short. To find its closed-
loop gain, we sum currents at the nodes labeled vy and vg:

Vi—VN VN vo—vN_O
rg R Ry
VN—V0+G(V1—VN)—V0 -0

R o
where we have used vp = v; — vy. Eliminating vy and solving for the ratio A =
vo /vy yields

- {1+ Ry/Ry)a+rofry
l+a+ Ry/RI+(Ry+r5)/rg +ro/R)

Ina well-designed amplifier the ratios r,/r4, (Ry +r,)/r4, and r,/ Ry are negligible
compared to | 4 a, so we can simplify as

(1.54)

Ry |
A1+ =) —o
( + R|) 1+ YT (1.35)
where T = af is the loop gain and
R
B= Rtk (1.56)
R, R,

——0 ¥g

= 1

+
JONN
= Rl

FIGURE 1.27
The noninverting configuration.
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is the feedback factor. The quantity

fim A = ol (1.57)
a—0 14+ Ry/Ry+ (Ry+r)/rg +ro/ Ry
is called the feedthrough gain because it refers to signal transmission from _inpul
1o output via the feedback network. This unwanted term is negligible and will be
ignored in future analysis. )
To find R; we apply a test voltage v as in Fig. 1.28a, we find the current { out of
the test source’s positive terminal, and then we let R; = v/i. Summing currents at
the node labeled vy yields

VoVN VN a(vﬁvN)—vN=0
rq Ry Ry+r,
Letting vy = v — vp = v — ryi, collecting terms, and solving for the ratio v/i
yields
a
Ri=ra (4 T o

For a sufficiently large gain a we can ignore the last term. Moreover, in a well-
designed circuit we usually have r, « R,. Therefore, R; = ry(l +a/(1/8}], or

RiZrg+T) (1.59)

)+mmm+m) (1.58)

To find R,, we suppress the input source vy and again apply the test-voltage
technique. With reference to Fig. 1.28b, we have, by the voltage divider formula,

Ryllry
N= oV
Rillrg + Rz

Summing currents at the output node,

. VN —V  —avy — V¥
ir "y =0
R fo
R] LY Uy RI
_I__N W
] Yo
—_— 4
v
v '_' - -
R, -
(a) (b}
FIGURE 1.28

Finding R; and R, for the noninverting configuration.

Eliminating v and solving for the ratio R, = v/i, we obtain

Yo
T V(@ +ro/Ry +ro/r)/(1 + Ro/Ry + Rofry)

(1.60)

R,

Typically ry is in the megohm range or greater, Ry and R are in the kilohm range,
and r, is on the order of 102 §2. The terms ro/ Ry, ro/rq, and Ry/ry can thus be
ignored to yield

~ To

=l—+—-77 (1.61)

R,
Looking back at Egs. (1.55), (1.59), and (1.61), we observe that negative feedback,
besides desensitizing gain by the factor | + T, raises ry and lowers r,, by the same
factor. We find these features extremely helpful in our attemnpt to approximate the
ideal voltage-amplifier terminal conditions of Table 1.1.

EXAMPLE19. Letthe opampof Fig. 1.27 be the 741, for whichry = 2 MQ,r, =758,
and a = 200 V/mV, Find the exact, the approximated, and the ideal values of A, Ri,
and R, if (a) Ry = 1 kQ and R; = 999 k$2; (b) R, = o0 and Rz = 0. Confirm with
PSpice.

Solution.

(a) Substituting the given parameter values into Eq. (1.54) gives A = 995.022 V/V;
using Eq. (1.55) with T = 200 gives A = 995.024 V/V; MOreover, Ajgea = 1000
V/V. Proceeding in similar fashion, we find R; = 401.97 M, 402.00 M2, oo;
R, =373.32mQ, 373.13 mQ, ¢ .

(b) We now have T = 200,000. Because of this much larger value, we simply ignore
the exact calculations and use only the approximations. We thus find A = 0.999995
VIV, 1 VIV, R, = 400 GR, oo; R, = 375u%, 0.

Using the subcircuit OA appearing in the PSpice code at the end of Section 1.2, we
write the following circuit file for pant {a):

Noninverting amplifier with A = 1 V/mv

L R

vil0 ac 1v tinput source

R1 0 2 1k ;reslstance @ input

RZ 2 3 999k 1feedback resistance
Xt1230a ;activates the op amp
LtE v{3) vi ixfer-function analyeis
.end

The PSpice simulation yields

v(3)/vi = 5.950R+02
Input resistance at vi = 4.020B+08
Output resistance at v(3) = 3.733E-01

This confirms the results of hand calculations. A similar simulation confirms the results
of part (b).
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FIGURE 1.29
The inverting configuration.

The Inverting Configuration

To find the gain of the inverting configuration of Fig. 1.29, we proceed as in the
noninverting case. Summing currents at the nodes labeled vy and v, eliminating
vn. and then solving for the ratio A = vg/v; yields
aRy, —r,
A=-— (1.62)
I+ a)R + (R2+ro)(N + Ry/ra)

In a well-designed circuit we usually have r, < R; and Ry /ry < 1. Consequently,
we can simplify as

Ry 1
A= -—=- 1.63
( Rl) 1+ /T (1.63)
where T, the loop gain, is given by
aR)
T=——"— 1.64
R+ R ( )

We observe that T is the same as in the noninverting configuration. However, the
expressions for Ajgeq) are different, since the inputs are applied at different points of
the same circuil. The feedthrough gain is now

. Yo
lim A = 1.65
ul—';n() R+ (Ry+r)(1 4+ Ry/rq) ( )

Though not as small as in the noninverting case, this gain will also be ignored in
luture calculations.

To find R;, we first determine the equivalent resistance R, of the inverting input.
Then we let R; = Ry + R,. To this end we apply a test current /, as in Fig. 1.30, we
find the resulting voltage v, and then we let R, = v/i. Comparing with Fig. 1.266
and ¢ we observe that this is a shunt-shunt topology. Summing currents at node v
and then solving for the ratio R, = v/i, we get

Ry+ro

= (1.66)
l+a+(Ry+ra)/ra

Ry

FIGURE 1.30
Finding the virtual-ground resistance R,,.

Ignoring the term (Ry + r,)/ry compared to a, we approximate R, as

Ry+r,
R, = .
n 1+ a (1.67a)
For r, < Ry, this simplifies further as
Ry = N2 (1.67h)
" Ita ’

indicating that a negative-feedback amplifier’s feedback resistance Ry is divided by
(1 4 &) when reflected to the input. This transformation is referred to as the Miller
effect, and it holds also in the more general case in which the feedback element is
an impedance. Because of the large gain a, we expect R, <« R). In fact, in the limit
a — oo we would get R, — (), the condition for a perfect virtual ground, as we
already know. Summarizing, ~ o

Ri=R/ +R, =R (1.68)

To find R, in the circuit of Fig. 1.29 we suppress the input source v; and apply
a test voltage v at the output. ending up again with the situation of Fig. 1.28b.
Consequently,
To

1+7T

R, =

(1.69)

where T is as given in Eq. (1.64).

EXAMPLE 1.10.  Let the op amp of Fig. 1.29 be the 741 type. Find A, R, R;, and R,

i) Ry = Ry = 1Rk (MR, =1kQand B, = | MQ.

Solution.

) T = aff = 200,000 x 100/(1004 100y = 10% A = —1/(1 + 1/10%) = —0.99999
VIV: Ry =(10° +T5)/(1 + 10921 Q; R=10°4+1=100 kQ; R, =75/(1+
10 = 0.75 mQ.

(b) T = 200.,000/1001 = 199.8; A = —995.0 VIV: R, =5 R = 10° +5 =
1.005 k§2; R, = 0.374 Q2.

The reader is encouraged to verify the above results using PSpice.

Itisintriguing that the expressions for A and R; for the inverting and noninverting
configurations are so different, even though one configuration can be derived from
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the other simply by changing the location of the input source; yet, those for T and
R, are the same. To gain better insight, we return to Eq. (1.18), which was derived
under the simplifying conditions ry — oo and r, — 0, and rewrite as

Rz R vy Vo
Ve = —d| — v+ o) =—(R//R = =
‘ (R|+Rz ! R|+Rzm) Bt 2)a(tfh*-l?z)
Letting v;/R| — i1, vg/R2 — —ip, and
a = —(R//Ry)a

allows us to write
vo=ay (i} —iF)

confirming an input-shunt topology of the type of Fig. 1.265. Even though the op
amp is a voltage-type amplifier with gain a in V/V, when used in the inverting con-
figuration it functions as a transresistance amplifier with gain a, in V/A. Moreover,
rewriting as vg = a,(i; — Bgvo), with

1

By = &
confirms a feedback factor Bg in A/V. The loop gainis T = a, By, or
_ alk
TR +R;
in agreement with Eq. (1.64). The closed-loop transresistance gain, defined as A, =
vo/i;, is, by Egs. {1.42) and (1.43),
| N l R 1
= — _— == — X
Be 1+ UT 2T+ yT

Finally, the closed-loop voltage gain, defined as A = vg/v;, is found as A =
Ivo/(vi/RD)/ Ry = A /Ry, Or

A,

Ry |
=-—x
R 1+1/T
in agreement with Eq. (1.63). Summarizing, we can state that the inverting amplifier,
though commonly applied as a voltage-in, voltage-out circuit, when analyzed as a
negative-feedback system is more properly treated as a current-in, voltage-out circuit,
thus confirming the designation shunr-shunt configuration.

Concluding Remarks

The above exampl . ki, Ry, and R, are remarkably close to ideal.
For a given - ui the closed-loop gain, the closer the results are to
ideal. Even with viuscd-loop gains on the order of 10° V/V, which is about the upper
limit of practical interest, the deviation from ideal is still quite small, at least for
the value of a used in the examples. It seems therefore reasonable to assume ideal
closed-loop parameters even if the open-loop parameters are those of a nonideal op
amp, especially in view of the simplicity of the ideal closed-loop expressions and

s e,

gt =

of the virtual-short concept. This is also justified by the fact that in a great many
practical situations, accuracies within a few percentage points are adequate. Even in
precision applications, where small deviations may mutter, it is always convenient
{0 start with the ideal op amp model in order to gain a quick, albeit approximate,
understanding of what the circuit is supposed to do, and then refine the analysis in
the course of a second pass. We shall sce many examples of this.

Once again we reiterate that the benefits of negative feedback stem from the
availability of a sufficiently large-loop gain T. Put another way, if you had to choose
between an op amp with poor rg and r, but excellent g, and one with excellent ry4
and r,, but poor a, go for the former! The large size of a will make up for its poor rg
and r, specifications (see Problem 1.53).

1.7
THE LOOP GAIN

By now it is apparent that the loop gain T plays a central role in negative-feedback

theory. The larger T is, the closer to ideat the closed-loop parameters are. In Chapter 8

we shall see that T also determines whether a circuit is stable as opposed to oscitlatory.
As we know, the gain of an op amp circuit is generally found as
j

1+ 1T

where Ajdeq) is calculated using the ideal op amp model and, hence, the virtual-short

technique. Moreover, the closed-loop terminal resistances are generally found as

R=rx(1+ D! (L71)

A = Ajgeal X (1.70}

where r is the open-loop resistance calculated in the limit a — 0, and we use +1
for a series topology, — | for a shunt topology.

Finding the Loop Gain T Directly

We can find T directly by suppressing all input sources, breaking the loop at some
convenient point, and injecting a test signal vr. As this signal propagates around
the loop, it comes back as the return signal vg = a x § x (—1) x vr, s0 T =ap
is found as

= R (1.72)

vr x,=0
where we use the generic symbol x; to denote the input source (or sources, in the case
of multiple-input circuits such as summing and difference amplifiers). The procedure
is illustrated in Fig. 1.31, where for completeness we have included also an output
load Ry This circuit could pertain to both the inverting and the noninverting config-
urations, as they are indistinguishable once the external source has been suppressed.
In fact, the previous section has revealed that T depends only on the amplifier and
its feedback network, regardless of where we apply the input signal. Breaking the
loop right at the dependent source’s output, as shown, yields the convenient result

37 ’
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FIGURE 1.31
Determining the loop gain directly as
T=—avp/vr.

vg = avp. Using the voltage divider formula twice, we get
R R
vR=a( 1ilrg (Rillra + R Ry, ) ,

CRillra+ R Ryllra + R) IR + 7o
Expanding and then using Eq. (1.72) yields

1 |
T = -
“(1 FRAR + Rofrg  T4ro/(Rilrat RD+ rU/RL) (173

Note that for r, sufficiently small the last term tends to unity, and for r4 sufficiently
large the ratio R2/ry4 can be ignored, thus yielding the familiar result T = a/(1 +
Ry/Ry).

EXAMPLE L11. InFig. 1.32alet Ry = Ry = | MQ, Ry = 100 k2, Ry = 1 k2, and
Ry = 2 k. (a) Find the ideal gain A, (b} Find the actual gain if the op amp has ry =
1 MQ, a = 10° V/V, and r, = 100 2. What is its percentage departure from the ideal?

" Solution.

(a) If the op amp were ideal, we would have vy = Oand v; = —(Rz/R}v;. Summing
currents at node vy yields —vi/R; — v /R4 + {(vo — v1)/Rs. Eliminating v, and

solving for vg /vy,
R: Ry R
Agest = —— | 1+ — + —
deat R.( MR

Substituting the given component values yields Ajgeq = —101.1 V/V.

() Find T using the equivalent circuit of Fig. 1.32b. Let Ry = R(||ry = 500 k2,
Rp = Ra+Ry=15MQ Rc = Rg || R4 = 1k, Rp = Re+R3y = 101kQ, Ry =
Rp || Ry = 1.961kQ, and Rr = Rg+r, = 2.061 k2. Applying the voltage divider
formuta repeatedly, we get —vp = (R./Rg)v) = v(/3. v = (Rc/Rp)vo =
vo/10l,vg = (Rg/RF)vy = vr/1.051. Thus, vg = avp = —10%v7 /(3 x 101 x
1.051) = =314v;.SoT = —vg /vy =314, and A = —10L.1/(1+1/T) = —100.8
V/V. By Eq. (1.45), the deviation from the ideal is —0.32%.

The reader may find it instructive to verify the above results using PSpice. This
is a practical circuit for realizing a large inverting gain while using a relatively large
resistance R) to ensure high input resistance.

i capme o ogn

o

(] (b)

FIGURE 1.32
(a) Amplifier of Example 1.11; (b) circuit for finding its loop gain T

Finding the Feedback Factor /3

An alternative approach is to focus on the feedback circuitry to find the amount 8
of voltage feedback around the op amp, consistent with the fact that the op amp is
a voltage-type amplifier, and then combine with data-sheet information about the
voltage gain a to obtain the loop gain as T = af. We shall follow this approach
extensively when studying stability, in Chapter 8. To find 8, we suppress all input
sources, we disconnect the op amp, and we replace it with its terminal resistances
rq and r, to retain the same loading conditions. Then we apply a test source vy via
r,, we find the difference v p across ry, and we finally let

p= 2 (1.74)

VT =0

This is illustrated in Fig. 1.33 for the circuit of Fig. 1.31. Using the voltage divider
formula twice, we get

(Rillra+ R IRy
(Riflra + RO RL + 710

vp _vv __ Rillra
vr v Rillra+Ra
which is readily rearranged as

_ 1 1
P=1 YRR+ Rofra N+ Tul(Rilira + Ro) + 1o/ Ry
in agreement with Eq. (1.73). This expression accounts for loading both of the
output port by the feedback network and of the feedback network itself by the input

port. Only in the timits ry — 00 and r, — 0 does it tend to the simplified form
B = R\ /{R; + Ry) = 1/(1 + Ry/R)) of Eq. (1.56).

8

(1.75)

- L7

L1

FIGURE 133
Finding the feedback factor 8 (x denotes a cut).
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10kQ2 300kQ

r———W‘—— Ry R,
¥y l VY ‘_Wr——\l\/;’—
T 20kQ TR L
3 r—N—ﬂ
s = &,
0k

I VY — rn
= 4 Z Vo
+
vr RL

() (L]

FIGURE 1.34
Summing amplifier and equivalent circuit for finding its feedback factor 8.

Except for special cases such as heavy capacitive loading at the output, the
external circuitry in a well-designed amplifier will cause negligible voltage loss
across r,. At the risk of a small error, we will often let r, = 0 to simplify our
calculations. This will yield slightly overestimated values for g and T.

EXAMPLE 1.12. Let the op amp of Fig. 1.34¢ have ry, = | MQ, a = 10* V/V, and
to = 100 Q. (a) Find 8 and T. (b) Find the ideal as well as the actual transfer charac-
teristic of the circuit,

Solution.

() After suppressing all input sources, replacing the op amp with its terminal re-
sistances, and applying a test voltage vy, we get the circuit of Fig. 1.34b. Let
Ra=Ri IR || Ryllrg = 10{20{1 30| 1000 = 5425k, Ry = R4+ Ry = 305.4
k2, Re = R || Ry = 1.987 k. and Rp = R + r, = 2.087 kQ. Then vy =
(RA/RB)V(; = l'()/56.23‘ Vg = (R(/R[;)I'r = \'r/].OSO, and ﬂ = VN/VT =
1/(56.23 x 1.050) = 1/59.13 V/ V. The loop gainis T = af = 10°/59.13 = 169.1.

(b) Ideally, vy = —(300/10)v, ~ (300/20)vy — (300/30)v3, or

vg = —(30v) + [5v; + 1013)

To find the wtual characteristic, each coefficient must be multiplied by /(1 +
1/Ty = 1/(1 + 1/169.1) = 0.9941. Thus,

vo = —(29.82v, + 14.91v; +9.941v;)

. As implied by its name, negative feedback is applied at the op amp’s inverting
input. However, we will encounter situations involving also a certain amount of
feeqt?uck via the siing inpul, that is, a combination of both negative and
positive feedback. Rewriting Eq. (1.74) with all input sources suppressed as
YN vp

Bt - =By be (1.76)
indica?tes that in order for the net feedback 8 to be negative, BN (=vy/vT) must
prevail over Bp (=1 p /vr). We shall see in Chapter 9 that if Bp prevails over 8y,

FIGURE 1.35
Finding B for the circuit of Fig. 1.13b.

then feedback is of the positive rype, something that forces the op amp into saturation
and causes it to operate as a Schmitt trigger. Unless stated to the contrary, henceforth
we shall assume feedback to be always negative.

EXAMPLE 1.23. Find § in the circuit of Fig. 1.13b if ry = 160 k2 and r, = 100 2.

Solution. After the necessary modifications, we end up with the circuit of Fig. 1.35.
Applying the voltage divider formula twice, we obtain
(Rifira) + By R,

e Rtk B S R Y Rt K
sothat g = 0.622 —0.188 = 0.434 V/V. Since the amount (0.622) of negative feedback
is greater than the amount (0).188) of positive feedback, the net feedback around the op
amp is negative.

=0.188

In Chapters 6 and 8 we shall have much more to say about the loop gain 7'

1.8
OP AMP POWERING

In order to function, op amps need to be externally powered. Powering serves the
twofold purpose of biasing the internal transistors and providing the power that the
op amp must in turn supply to the output load and the feedback network. Figure 1.36
shows a recommended way of powering op amps. To prevent the ac noise usually
present on the supply lines from interfering with the op amps, the supply pins of
each IC must be bypassed to ground by means of low-inductance capacitors (0.1-uF
ceramic capacitors are usually adequate). These decoupling capacitors also help
neutralize any spurious feedback loops arising from the nonzero impedances of the
supply and ground lines, or busses, which might pose stability problems, For this cure
to be effective, the leads must be kept short to minimize their distributed inductance,
which rises at the rate of about 1 nH/mm, and the capacitors must be mounted as
close as possible to the op amp pins. A well-constructed circuit board will also
include 10-uF polarized capacitors at the points of entry of the supply voltages to
provide board-level bypass. Moreover, using wide ground traces will help maintain
an electrically clean ground reference.

Typically Vo and Vg are generated with a dual +15-V regulated power sup-
ply. Though these values have long been the standard in analog systems, today’s
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FIGURE 1.36
Op amp powering with bypass capacitors.

mixed-mode applications call for a single 5-V supply to power both digital and ana-
log circuitry. In this case we have Ve = 5V and Vgg = 0 V. Unless otherwise
specified, we assume Ve = 15 Vand Veg = —15 V. Though the power-supply
interconnections are normally omitted from circuit diagrams for the sake of simplic-
ity, we must remember to power our op amps when we try them out in the lab. Some
of the most frequent sources of frustration for the beginner are due to improper
powering, such as faulty wire connections, interchanging Ve and Vgg, or even
forgetting to turn the power on! When troubleshooting, it is good practice to check
the voltages right at the supply pins of the op amp.

Current Flow and Power Dissipation

Since virtually no current flows in or out of the input pins of an op amp, the only
current-carrying terminals are the output and the supply pins. We shall designate
their currents as ig, icc, and i g. Since Ve is the most positive and Vg g the most
negative voltage in the circuit, under proper operation ic¢ will always flow info and
ig £ always out of the op amp. However, ig may flow either out of or into the op
amp, depending on circuit conditions. In the former case the op amp is said to be
sourcing current, and in the latter it is sinking current. At all times, the three currents
must satisfy KCL. So for an op amp sourcing current we have icc = igg +ip, and
for an op amp sinking current we have igg = icc +ip-

In the special case in which ip = 0, we have icc = igg = Ig, where Ig
is called the quiescent supply current. This is the current that biases the internal
transistors to keep them electrically alive. Its magnitude depends on the op amp type
and, to a certain extent, on the supply voltages; typically, Iy is in the milliampere
range. Op amps intended for portable equipment applications may have /g in the
microampere range and are therefore called micropower op amps.

Figure 1.37 shows current flow in the noninverting and inverting circuits, both
for the case of a positive and a negative input. Trace each circuit in detail until you
are fully convinced that the various currents flow as shown. Note that the output
current consists of two components, one to feed the load and the other to feed the
feedback network. Moreover, the flow of currents /g and ip through the op amp
causes internal power dissipation. This dissipation must never exceed the maximum
rating specified in the data sheets.

>0

v>0

FIGURE 1.37
Current flow for the noninverting [(a) and (b)| and the inverting [(c) and (d)} amplificrs.

EXAMPLE L14. An inverting amplifier with Ry =10k, R; =20kQ, and v, =3V
drives a 2-k§2 Joad. (a) Assuming /g = 0.5 mA, find icc, fgg, and ig. (b) Find the
power dissipated inside the op amp.

Solution.

(a) With reference to Fig. 1.37¢, we have vgp = —(20/10)3 = —6 V. Denoting the
currents through Ry, Ry, and Ry as i, iy, and iy, wehavei; = 6/2 = 3mA, andi; =
H=310=03mA. Thus, ip =i +i;, =03+3=33mAicc =1y =05 mA;
ire=icc+ion=05+33=38mA.

(b) Whenever a current i experiences a voltage drop v, the corresponding poweris p =
vi. Thus, ppa=(Vee — Vf;[{),() +(vo—=Vep)ig=30 x 0.54+|-6 - (—15)] x
3.3=44.7 mW.

EXAMPLE L15. When experimenting with op amps it is handy to have a variable source
over the range —10 V < vy < 10 V. (¢) Design one such source using a 741 op amp
and a 100-kQ potentiometer. (h) I vs is set 1o 10 V. how much does it chunge when we
connect a 1-k€2 load to the source?

Solution.

(u) We first design a resistive network to produce an adjustable voltage over the range
— 10 V to 410 V. As shown in Fig. 1.38, where we use a concise notation for the

a3
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5kQ

100 k§2 R,
B =
25kQ
FIGURE 1.38

Vartable source from —10 Vto +10 V.

supply voliages, this network consists of the potentiometer and two 25-k$2 resistors
to drop 5 V each, so that v4 = 10 V and vg = —10 V. By turning the wiper we
can vary vy over the range —H) V = vy < 10 V. However, if a load is connected
directly to the wiper, vy will change significantly because of the loading effect. For
this reason we interpose a unity-gain buffer, as shown.

Connecting o 1-kQ2 load will draw a current i; = 10/l = 10 mA. The output
resistance is R, =r,/(1 + T) =75/(1 + 200,000) =0.375 mS2. The source change
isthus Av - R, Aip =0.375x 107} x 10 x 1073 = 3.75 wV-—quite a small
change! Hus demonstrates a most important op amp application, namely, regulation
against changes in the load conditions.

(4

-

Output Saturation

The supply voltages Voc and Vi g set upper and lower bounds on the output swing
capability of the op amp. This is best visualized in terms of the VTC of Fig. 1.39,
which reveals three different regions of operation.

In the linear region the curve is approximately straight and its slope represents
the open-loop g..u 4. With a as large as 200,000 V/V, the curve is so steep that it
practically coalesces with the vertical axis, unless we use different scales for the
two axes. If we express v in volts and v p in microvolts, as shown, then the slope
becomes 0.2 V/u:V. As we know, op amp behavior within this region is modeled
with a dependent source of value avp.

As vp is increased, v increases in proportion until a point is reached where
internal transistor saturation effects take place that cause the VTC to flatten out. This
is the positive saturation region, where v no longer depends on vp but remains
fixed, making the op amp behave as an independent source of value Vg . Similar
considerations hold for the n=native saturation region, where the op amp acts as an
independent sour Note that in saturation v 1 is no longer necessarily
in the microve:'

For bipolar op amps, such as the 741, Vo and Vo, are typically several pn-
Junction voltage drops (about 2 V) below V¢ and above Vi g. Thus, for symmetric
+15-V supplies we have Vo =15 -2=13Vand Vg, =~ 15+2=~— 13 V: that
15, the saturation vowages are also approximately symmetric. In this case we simply

TR R R T E2
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FIGURE 1.3%
Regions of operation and approximate op amp models.

say that the 741 saturates at £ Vs = £13 V. Moreover, since 13/200,000 = 65 4V,
the input signal range corresponding to the linear region is —65 uV < vp <
65 1V.

#If the power supplies are other than £15 V, Voy and Vi, will vary accordingly.
For instance, in the case of a 741 op amp being powered liom a single 9-V battery
sothat Ve =9Vaund Vg =0V, wehave Vo 29 -2=7Vand V, =0+ 2 =
2V, indicating a useful range, often called the dynamic output range, of about only
7 —2 = 5 V. In low power-supply systems the need arises for op amps with a
maximized dynamic output range. Called rail-to-rail op amps, these devices are
designed so that under moderate output loading they can swing vo all the way up
to Vec and down to Vg, so that Vo = Ve and Vo, = Ve CMOS op amps are a
familiar example. In general, Vo and Vo, not only depend on the op amp type but
also vary among different samples of the same type because of production variations,
temperature drift, and output load variations. Consult the data sheets for more details.

In single-supply systems, such as mixed digital-analog systen:s with Vo =5V
and Vgz = 0V, signals are usually constrained within the range .f0 V10 5 V. The
need arises for a reference voltage at (1/2)V¢c = 2.5V for termivation of all analog
sources and loads, and thus allow for symmetric voltage swings about this common
reference. In Fig. 1.40 this voltage is synthesized by the R-R voltage divider, and is
then buffered by OA to provide a low-resistance drive. To maximize the dynamic
range of signals, QA3 is typically a device with il-t. ..~ -t capabilities, or
Vouw = 5 V and Vy = 0 V. The TLE2426 Rail Splitter (lexas Instruments) is a
3-terminal chip containing all circuitry needed for the synthesis of a precision 2.5-V
common reference with a 7.5-mS2 output resistance.

When an op amp is used in the negative-feedback mode, ils operation must
be contined within the linear region because only there is the op amp capable of

45
SECTION 1.8
Op Amp Poweriny



i

b

SHARIER
“oerational

Amplilier
‘Jamentals

FIGURE 1.40
Synthesis of a 2.5-V common reference voltage in a 5-V
single-supply system.

influencing its own input. If the device is inadvertently pushed into saturation, vo
will remain fixed and the op amp will no longer be able to influence vp, thus
yielding a completely different behavior. When analyzing op amp circuits it is often
necessary to find the region of operation. To this end we start out assuming that
the op amp is in the linear region and calculate vg. If this falls within the range
Vo < vo < Voy, the assumption is correct. Otherwise, the op amp is saturated at
either Vg or Vjyy, depending on whether the calculated value was less than Vy, or
greater than V.

Conversely, given a circuit in the lab, we may wish to find in which region the
op amp is working at a given time. The answer lies in the value of v o, which we can
mieasure with a voltmeter or observe with an oscilloscope. If Vi, < vg < Vgy, the
device must be in the linear region, where, for instance, we can calculate vp or v,
usingvp = vg/aorv; = vp/A. Otherwise, we must have eithervp = Vg orvg =
Von, and vp will generally be significantly different from zero. The experimental
determination of the operating region is very helpful in troubleshooting.

EXAMPLE L16. A 741 inventing amplifier with A = —2 V/V is driven by a £10-V
peak-to-peak triangular wave. Sketch and label vy, v, and vy versus time.

Solution. With an input range of £10 V and a gain of 2, the output range would be
£20 V. indicating that the op amp will saturate part of the time. The borderline between

linear operation and saturation occurs when vy = £13/2 = 6.5 V.

When —6.5V < v; < 6.5V, the op amp is in the linear region, where vg = —2v,
and vy = 0V {virtual ground).

When v; > 6.5 V, the op amp saturates at vo = —13 V. By the superposition

principle,vy = (Rav;+Rvo) /(R +Ry) = (2/3)wv; +(1/3N—13) = (2/3)v;—13/3 V.
For instance, when v, peaks at 10V, vy will peak at (2/3)10~ 13/3 = 2.333 V. Clearly,
I the inverting input is no longer a virtual ground when v; > 6.5 V.

When v; < —6.5 V, circuit behavior is symmetric to the case in whichv; > 6.5V,
The circuit and its waveforms are shown in Fig. 1.41.

A common characteristic of saturating amplifiers is a clipped output waveform.
Clipping is a form of distortion since the output of a linear amplifier should have

e ——— T ———— R Y

>

R, vy R
10kQ 20kQ vy (V)

[T h

FIGURE 1.41
Waveforms of an inverting amplifier driven into saturation.

the same shape as the input. Clipping is generally undesirable, though there are
situations in which it is exploited on purpose to achieve specific effects.

PROBLEMS
1.1 Amplifier fundamentals

L1 Inthe voltage amplifier circuitof Fig. |1, let vy = 100mV, R, = 100k, v; = 75 mV,
Ry =10, and vy = 2 V. If connecting a 30-£2 resistance in parallel with R, drops
votol.8V, find R;, Ay, and R,,.

1.2 Sketch the transconductance and transresistance amplifiers; derive expressions for their
source-to-load gains,

1.3 (a) A transresistance amplifier with R; = 20kQ, Ao = 1 V/ima, and R, = 300 Q is
driven by a source is with parallel resistance R, = 100 k2 and drives a load R, =
600 2. Find the transresistance gain v, /ig as well as the power gain p, /ps, where pg
is the power delivered by the source i5 and p, that absorbed by the load R, . (b) To
what value must A, be changed to achieve v, /is = | V/imA exactly? What is the
corresponding power gain?

1.4 A transconductance amplifier is driven by a source with vs = 30 mV and R, = 100k
and drives aload R, Digital multimeter (DMM) readings at the input and output ports
yieldv,; =25mV,i; =09 A lor R, =20Q,andi; = 0.8 A for R; = 30 Q. Predict
the DMM readings if the same amplifier is driven by a source with vg = 33 mV and
R, = 50k and drives a load R; = 40 Q.

Problems.
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CHAPTER | Problems
OperaliEonaI 1.5 Given an op amp with ry; = 00,a = 10" V/V, and r, = 0, find (a) vo if vp = 750.25
Ampliﬁer mV and VN = 751.50 mV. (b) vy if vp = -5V and VYp= 0, {c)vp ifVN =Vp = 5V,
Fundamentals and () vy ifvp = —vp =1V,

1.6 A 741 op amp drives a 1-k£2 load. Find the voltages across and the currents through ry
andr, ifvep =1 Vandvyg =5 V.

1.3 Basic op amp configurations

1.7 In the noninverting amplifier of Fig. 1.6a, let R} = 100 k2, R; = 200 k€2, and
a = oo. (a) Whalt is its closed-loop gain? How does its gain change if a third resistance
R; = 100kQ is connected in series with B, 7 In parallel with R,? In series with R? In
parallel with R;? (b) Repeat (a) for the inverting amplifier of Fig. 1.10a.

1.8 (a) Design a noninverting amplifier whose gain is variable overtherange 1 V/V < A <
5 V/V by means of a 100-k€2 pot. (b) Repeat (a) for 0.5 V/IV < A < 2 V/V. Hint: To
achieve A < I V/V, you need an input voltage divider.

1.9 (a) A noninverting amplifier is implemented with two 10-kS2 resistances having 5%
tolerance. What is the range of possible values for the gain A? How would you modify
the circuit for the exact calibration of A7 (b) Repeat, but for the inverting amplifier.

L.10 In the inverting amplifier of Fig, 1.10g, letv; = 0.1 V, R) = 10k, and Ry = 100 kQ.
Find vy and vy if (@) @ = 102 V/V, (b)a = 10* VIV, (c) a = 10° V/V. Comment on
your findings.

1.11 (a) Design an inverting amplifier whose gain is variable over the range —10 V/V
< A < 0 by means of a 100-kQ pot. (b) Repeat, but for ~10 V/V < A < -1 V/V.
Hint: To prevent A from reaching zero, you must use a suitable resistor in series with
the pot.

1.12 (4) A source vg = 2 V with R; = 10 k2 is to drive a gain-of-five inverting amplifier
implemented with R, = 20 k2 and R; = 100 kQ. Find the amplifier output voltage
and verify that because of loading its magnitude is lessthan2 x 5 = 10 V. () Find the
value to which R, must be changed if we want to compensate for loading and obtain a
full output magnitude of 10 V.

1.13 (a) A source vs = 10V is fed to a voltage divider implemented with R4 = 120k$2 and
Rg = 30 kS, and the voltage across Rj is fed, in turn, to a gain-of-five noninverting
amplifier having R) = 30 k2 and R, = 120 kQ. Sketch the circuit, and predict the
amplifier output voltage v . (b) Repeat (a) for a gain-of-five inverting amplifier having
R = 30kQ and R; = 150 k2. Compare and comment on the differences.

1.14 An inverting amplifier is implemented with R = 10k, R2 = 20 k€2 and an op amp
withry = 00, a = | V/mV, and r, = 0. Sketch and label v;, v, and vy versus time if
vy is a 1-kHz sine wave with +5-V peak valuves.

1.4 Ideal op amp circuit analysis

115 Find vy, vp, and v in the circuit of Fig. P1.15, as well as the power released by the
4-V saurce, devise a method to check your resulis.

30k 20k

FIGURE P1.15

1.16 (a)Findvy,vp,and ve in the circuit of Fig. P1.16. (b) Repeat (a) with a 5-k resistance
connected between A and B.

A 3kQ 4k

B 2kf2 1k =

FIGURE P1.16

1.17 (a) Find vy, vp, and v, in the circuit of Fig, P1.17 if vs = 9 V. (b) Find the resistance
R that, if connected between the inverting-input pin of the op =:np and ground, causes
vo to double. Verify with PSpice.

50k0 0kQ

fanng

Yo

FIGURE PL1.17

1.18 (a) Find vy, vp, and vp in the circuit of Fig. P1.18. (b) Repeat (a) with a 40-k§2
resistance in parallel with the 0.3-mA source.

03 mA

10kQ

< 20kQ 0k

FIGURE P1.18



50 1.19 (a) Find vy, vp, and vg in the circuit of Fig. P1.19 if is = | mA. (b) Find a resis-
tance K that when connected in parallel with the 1-mA source will cause v to drop to
half the value found in {a).

CHAPTER |
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FIGURE P1.19

1.20 (a) If the current source of Fig. P1.16 is replaced by a voltage source vg, find the
magnitude and polarity of v so that vp = 10 V. (b) If the wire connecting the 4-V
source to node v in Fig. P1.15 is cut and a 5-kQ resistance is inserted in series between
the two, to what value must the source be changed to yield v = 10 V?

1.21 In the circuit of Fig. P1.21 the switch is designed to provide gain-polarity control.
(a) Verify that A = +1 V/V when the switch is open, and A = —R,/R, when the
switch is closed, so that making R, = R; yields A = 1 V/V. (b) To accommodate
gains greater than unity, connect an additional resistance R4 from the inverting-input
pin of the ap amp to ground. Derive separate expressions for A in terms of R, through Re
with the switch open and with the switch closed. (c) Specify resistance values suitable
for achieving A = £2 V/V.

3] R,

0
Switch

FIGURE P1.21

1.22 In the circuit of Fig. P1.22 the pot is used o control gain magnitude as well as polarity.
{a) Letting & denote the fraction of By between the wiper and ground, show that varying
the wiper from bottom to top varies the gain over the range —Ry/R| < A < 1 V/V,
so that making Ry = R, yields —1 V/V < A < +1 V/V. (b) To accommodate gains
greater than unity, connect an additional resistance R4 from the op amp’s inverting-input
pin to ground. Derive an expression for A in terms of Ry, Ry, Ry, and k. (c) Specify
resistance values suitable for achieving —5 V/V < A < +5 V/V.

R Ry

FIGURE P1.22

g

A

1.23 Consider the following stalements about the input resistance R; of the noninverting
amplifier of Fig. |.14a: (a) Since we are looking straight into the noninverting-input pin,
which is an open cireuit, we have R; = oo; (b) since the input pins are virtually shorted
together, we have R; =0+ (R, || Rz) = Ry || R2; (¢) since the noninverting-input pin is
virtually shorted to the inverting-input pin, which is in turn a virtual-ground node, we
have R; =0+ 0=0. Which stalement is correct? How would you refute the other two?

1.24 (a) Show that the circuit of Fig. P1.24 has R, = coand A = —(1 + Ri/R4}R /R,
(b) Specify suitable components to make A variable over the range ~100V/V < A <0
by means of a }00-k§2 pot. Try minimizing the number of resistors you use.

FIGURE Pl.24

1.25 The audio panpot circuit of Fig. P1.25 is used to continuously vary the position of
signal vy between the left and the right stereo channels. (a) Discuss circuit aperation.

(b) Specily R and Rz sothat v, /v; = —1 V/V when the wiper is fully down, vg /v, =
—1 V/V when the wiper is fully up, and vy /v; = vg/v; = —1/4/2 when the wiper is
halfway.

R, HO k€2 R,

10 kQ

FIGURE PL.25

1.26 (a) Using standard 5% resistances in the kilohm range, design a circuil‘lo yield vy =
~100(4vy + 3vs + 2va + vy). (D) If vy = 20 mV, v; = =50 mV, and v4 = 100 mV,
find vy forv, =0V,

1.27 (a) Using standard 5% resistances, design a circait o give (¢) v = — 100y, + | V):
(h)vp = —v; + Vo, where Vy is variable over the range -5V < V, < +5 V by
means of a L00-k€2 pot. Hinr: Connect the pot between the +15-V supplies and use the
wiper voltage as one of the inpuls to your circuit.
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1.28

1.30

1.32

1.33

1.34

1.35

1.36

1.37

In the circuitof Fig. 1.17let Ry = Ry = Ry = 10kQ and R; = 30kQ. (@) If v, =3V,
find vy forvg = 10V, (B)Ifva =6V, find v, forvg =0 V. (c)Ifvy = 1 V, find the
range of values for vy for which ~10V < v, < 410V,

You can readily verify that if we put the output in the form v = Azv; — Av; in the

circuit of Fig. 1.17, then Ay < A, + 1. Applications requiring A; > A, + | can be
accommodated by connecting an additional resistance Rs from the node commonto R,
and Ry to ground. () Sketch the modified circuit and derive a relationship between its
output and inputs. (h) Specify standard resistances to achieve vo = 5(2v; — v)). Try
minimizing the number of resistors you use.

() In the difference amplifier of Fig. 1.17 tet R) = Ry = 10k and R; = Ry = 100
kQ. Find vy if vy = 10cos2n60¢ — 0.5c052x 101 V, and v2 = 10cos 2n60¢ +
0.5 cos 27 101 V. (b) Repeat if Ry is changed to 101 k. Comment on your findings.

Show that if all resistances in Fig. PL.31 are equal, then vo =va+va+ve—v, —
V3 — Vs,
RI
1 o—AM—

FIGURE P1.31

Using a topology of the type of Fig. P1.31, design a four-input amplifier such that
vo =4dva —3vg + 2ve — vy, Try minimizing the number of resistors you use.

Using just one op amp powered from £12-V regulated supplies, design a circuit to
yield: (@) vp = 10v; + 5 Vi (b)Y v) = 10(v2 = v}) =5 V.

Using just one op amp powered from £15-V supply voltages, design a circuit that
accepls an ac input v; and yields v = v; +5 V, under the constraint that the resistance
seen by the ac source be 100 kQ.

Design a two-input, two-output circuit that yields the sum and the difference of its
inputs: vy = - 12, and vy = vy — vy, Try minimizing the component count.

Obtain a relationship between v, and v, if the differentiator of Fig. 1.18 includes also
aresistance R, in series with C. Discuss the extreme cases of v; changing very slowly
and very rapidly.

Obtain a relationship between v and v if the integrator of Fig. 1.19 includes also a
resistance R, in parailel with C. Discuss the extreme cases of v, changing very rapidly
and very slowly.
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1.38

1.39

1.41
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1.43

1.44

In the differentiator of Fig. 1.18 let C = 10nFand R = 100k$2, and let v; be a periodic
signal alternating between 0 V and 2 V with a frequency of 100 Hz. Sketch and label
v; and v, versus time if v; is (@) a sine wave; () a triangular wave.

In the integrator of Fig. 1.19 let R =100 kQ and C = 10 nE Sketwch and label v, (1)
and vo(e) if (@) vy = Ssin2x 100t Vand vg{(0) = U; (b) v; = S[u(r) —u{t —2ms)| V
and vo(M =35 V, where u(t —1y) is the unit step function defined as #=0 for
t <, andu = 1fors > .

(a) In the integrator of Fig. 1,19 let R = 10 k2 and C = 0.1 pgF. Assuming that C
is initially discharged, sketch and label vp(s) for 0 < ¢t < 10 ms if v, isa |-V step.
(b) Repeat (a) with a 100-kS2 resistance connected in parallel with C.

If R in the summing amptifier of Fig. 1.15 is replaced by a capacitance C, the circuit
becomes a summing integrator. (a) Derive a relationship between its output and its
inputs. (b) Using a 10-nF capacitance, specify suitable resistances for v (1) = v, (0) —~
WP (fy vidE +2 J, vadE + 0.5 [ vadE).

Show that if the op amp of Fig. 1.20b has a finite gain 4, then Ry = (=R R/R2) x
[1+ (0 + RfR/al/1) — (L + Ri/Ry)/a).

Find an expression for R; in Fig. P1.43; discuss its behavior as R is varied over the
range 0 < R < 2R,.

FIGURE P1.43
The circuit of Fig. P1.44 can be used to control the input resistance of the inverting
amplifier based on OA|. (a) Show that R; = R;/(1 — R,/ R;y). (b) Specify resistances
suitable for achieving A = —10 V/V with R; = oo.

FIGURE P).44
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1.5 Negative feedback

145

1.46

1.47

1.48

1.49

A voitage amplifier has a = 10° V/V and v; = 10 mV. Find v, vy, Vo, A, T, and the
percentage deviation of A from Ajgey for B = 107 V/V, 1072 V/V, 107! V/V, and
1 V/V. Compare the various cases and comment.

(a) Find the desensitivity factor of a negative-feedback system with @ = 10° and
A = 102, (b) Find A exactly via Eq. (1.40), and approximately via Eq. (1.49) if a drops
by 10%. () Repeat () for a 50% drop in a; compare with (#) and comment.

You are asked to design an amplifier with a gain A of 10° V/V that is accurate to within
+0.1%, or A = ¥ VIV £ 0.1%. All you have available are amplifier stages with
a = 10* V/V £25% each. Your amplifier can be implemented using a cascade of basic
stages, each employing a suitable amount of negative feedback. What is the minimum
number of stages required? What is the 8 of each stage?

The open-loop VTC of a certain amplifier can be approximated piecewise by five
segments with symmetric breakpoints at (vp, vo) = (80 uV, 8 V), £(280 uV,
12 V). and £(530 iV, 13 V). (a) Sketch the above VTC; calculate and sketch the
closed-loop VTC when the amplifier is placed in a feedback loop with 8 = 0.5 V/V.
(b) Sketch vy, v, and vy, versus time if v, is a triangular wave with £5-V peak values;
comment on the waveform of vp. Hint: vp(t) can be derived point by point from vo(t)
using the open-loop VTC of (a).

crude BJT power amplifier of the class B (push-pull) type exhibits the VTC of
ig. P1.495. The dead band occurring for —0.7 V < v < +(.7 V causes a crossover
distortion at 1he output that can be reduced by preceding the power stage with a pream-
plitice stage and then using negative feedback 1o reduce the dead band. This is shown
in Fig. P1.494 for the case of a difference preamplifier with gain a, and g = 1 V/V.
(a) Sketch and label the closed-loop VTC if a; = 107 V/V. (b) Skeich v, vy, and v
versus me if vy is o 100-Hz triangular wave with peak values of 1 V.

v (V)

yd
-0.7
v (V)

0.7

(ay (b)

FIGURE PL 49

1.50 A certain audio power amplifier with a signal gain of 10 V/V is found to produce a 2-V

peak-to-peak 120-Hz hum. We wish to reduce the output hum to less than | mV without

changing the signal gain. To this end, we precede the power stage with a preamplifier
stage with gain «; and then apply negative feedback around the composite amplifier.
What are the required values of &) and §?

1.6 Feedback in op amp circuits

1.51

1.52

1.53

A voltage foilower is implemented with an op amp having ry = | MQ, ¢ = 1 V/imV,
and r, = 1 kS2. (a) Find v if the follower is driven by a source vg = 10.000 V with
R, = 2MQ. (b) Repeat (a) with a 1-kS2 output load.

An inverting amplifier is implemented with two precision resistors R| = 100 kQ and
Ry = 200 kQ and drives a 2-kQ load. Assuming an op amp with r;, = | MQ and
ro = 100 Q, find the minimuin gain @ needed 1o contain the deviation of A from the
ideal within (a)} 1%, (b) 0.001%.

Let a voltage follower be implemented with an op amp having ry = 1 kQ, r, = 20 k2,
anda =10°V/V (poor resistances, but excellent gain). Find A, R;, and R,,.and comment
on your tindings.

1.7 The loop gain

@a} Find Ajsey in the circuit of Fig. P1.54 if all resistances are equal. (b} Assuming

1.55

1.56

1.57

1.58

1.59

ri = oo and r, =, find gy, such that the deviation of A from Ay is less than 0.1%.

FIGURE P1.54

{a) Assuming that R, in Fig. 1. 32a is a potentiometer connected as a variable resistance
over the range 0 < Ry < | M. specify suitable components for an input resistance of
500 k2 and a continuously variable gain over the range — 10> V/V < Ay < —0.5
VIV.(B}If rg = L MR, a = 10° VIV, 7, = 100 , and R, = 2 kS, estimate the gain
departure from the ideal at the two extremes of the range.

(@) Design a difference amplifier such that, ideally, vp = 100(vz — v)). (b) Assuming
an op amp with ry = oo and r, = 0, find the open-loop gain needed to approximate
the ideal closed-loop gain within 0.1%.

Assuming that the op amp has ry = oo and r, = 0, find the feedback factor 8 in the
circuits of Figs. P1.15 through P1.19.

For the de-offsetting amplitier of Fig. 1,16 find the minimum open-loop gain needed to
contain the deviation of its transfer characteristic from the ideal within 1%,

Using a single op amp, along with the ideas expressed in Problem 1.29, design a circuit
that accepts two inputs vy and v3 and yields vy = 100(3v2 — 2v)). Hence, assuming
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56 rq = oo and r, = 0. find the minimum open-loop gain a needed to contain the transfer
CHAPTER | characteristic’s deviation from ideality within 0.1%.
Operational .
Amplifier 1.60 Assuming the op amp of Fig. P1.60 has a = 3000 V/V, ry = 00, and r, = 0, tind the
Fundamentals loop gain T
1kQQ 2kQ 3k 12k02

v

FIGURE P1.60

1.61 () Assuming the op amp of Fig. P1.I6 has ry = oo and r, = 0, tind By, Bp, and 8.
(h) Repeat, but with the current source replaced by a voltage source.

1.62 Repeat Problem 1.61, but for the circuit of Fig. P1.19,

1.63 In the circait of Fig. P1.4% let a; = 3000 V/V and R, = 2 kS, and suppose an
additional 10-k£2 resistor is connected from riode vy 10 node v, (¢) Sketch and fabel
the open-loop VTC of the overall circuit, that is, the plot of v, versus the input difference
vp = vp — vy. (b) Sketch and label the loop gain T versus v; over the range —0.3 V
< v; 0.3 V.(c) Sketch and label, versus time, v, vy, v, and vp if v, is a triangular

wave with £0.3-V peak values.
1.8 Op amp powering

1.64 Repcat Example 1.14, but with v; = -5 V.

1.65 Assuming that /;, = 1.5 mA in the circuit of Fig. P1.65, calculate all currents and
voltages, as well as the power dissipated inside the opamp, if(a) v, = +2V;(b)v; =

-2V

10 k€2 0kQ

FIGURE P1.65

1.66 U§ing a 741 op amp powered from +12-V supplies, design a neninverting amplifier
with a gain of 6 V/V. Sketch and label v;, vy, and vy versus time if v; is a sine wave

with £3-V peak values.
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1.67

1.68

1.69

1.70

1.7

1.72

1.73

1.74

(«) Assuming 1 [5-V power supplies, design a variable voliage source over the range
0V < vs < 10 V. (h) Assuming a 1-k€ grounded load and Iy = 1.5 mA, find the
maximum internal power dissipation of your op amp.

Assuming a 741 op amp in the de-offsetting amplifier of Fig. 1.16, find: (¢} v, and vy
ifvg =5V;(b)findvyand v, ifv; =3 V.

The noninverting amplifier of Fig. |.14qa is implemented with Ry = 10k and R, =
15 k2, and a 741 op amp powered from =+12-V supplic. 1711 circuit includes also a
third 30-k2 resistor connected between the inverting niput wind the 12-V supply, find
voandvy if(@)v; =4 V,and (h)v; = -2 V.

{a) Assuming Iy = 50 ;A and a grounded load of 100) kQ at the output of the dc-
offsetting amplifier of Fig. 1.16, find the values of v, for which the op amp dissipates
the maximum power. Show all corresponding voltages and currents. (b) Assuming
+V = £12V, find the range of values of v; for which the op amp still operates
within the linear region.

In the amplifier of Fig. 1.17 let Ry = 30kS2, R2 = 120 k82, Ry = 20kS2, and R, =
30 k<, and let the op amp be a 741-type powered from £15 V. (@} If vy = 2siner V,
find the range of values of vy for which the amplifier still operates in the linear region.
by If vy =V, sinwr and vy = —1 V, find the maximum value of V,, for which the op
amp still operates in the linear region. (¢) Repeat (@) and (b) for the casc in which the
power supplies are lowered to £12 V.

Assuming that the op amps of Figs. P1.17 and P1.19 saturate at £10 V, find the range
of values of v and iy for which the op amps still operate in the linear region.

In the inverting amplifier of Fig. 1.32a let v; be a 1-kHz triangular wave with peak
values +V;,,, and let the op amp be ideal, except that its output saturates at £10 V.
Assuming that Ry = R, = | MQ, Ry = 18 k2, and Ry = R; = 2 kQ. sketch and
label vy, vy, vy, and v; versus time if () Vi, = 0.5V (D) V), =2 V.

The circuit of Fig. P1.74, called a bridge amplifier, allows one to double the tinear
output range as compared with a single op amp. (a) Show that if the resistances are in
the ratios shown, then vy, /v, = 24, (b) If the individual op amps saturate at 213 V.
what is the maximum peak -to-peak output voltage that the circuit can provide without
distortion?

FIGURE P1.74
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58 L.75 For the circuit of Fig. P1.65 sketch and label vy, vy, and vy versus time if v, is a TABLE 1A.1

CHAPTER 1 triangular wave with £5-V peak values. Standard resistance values
Operational APPENDIX 1A

= g
Amplificr 1.76 In the integrator of Fig. 1.19 let R = 100 k2 and C = 10 nF, and let the op amp be 5% resistor values 1% resistor values Standard Resistor %

Fundamentals ideal. except that its output saturates at 13 V. Assuming that v (0) = 0V, sketch and 10 © 100 178 36 362 Values
label vy and vy versus time if (@) vy =1 V; () v; = I mV;(c)v; = —l mV. 1 102 182 3 376
12 105 187 332 590

13 107 191 340 604
15 110 196 8 614
16 113 200 is7 634
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APPENDIX 1A .

STANDARD RESISTOR VALUES

As a good work habit, always specify standard resistance values for the circuits you ’ '
design (see Table LA.1). In many applications 5% resistors are adequate; however,
when higher precision is required, 1% resistors should be used. When even this
tolerance is insufticient, the alternatives are either 0.1% (or better) resistors, or less ) 4
precise resistors in conjunction with variable ones (trim pots) to allow for exact
adjustments. L

The numbers in the table are multipliers. For instance, if the calculations yield [
a resistance of 3.1415 kS, the closest 5% value is 3.0 k2 and the closest 1% value
is 3.16 kS2. In the design of low-power circuits, the best resistance range is usually - i
between 1 k2 and | MQ. Try to avoid excessively high resistances (e.g., above i
10 M), because the stray resistance of the surrounding medium tends to decrease
the effective value of your resistance, particularly in the presence of moisture and
salinity. Low resistances, on the other hand, cause unnecessarily high-power dissi-
pation.
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In this chapter we investigate additional op amp circuits, this time with greater
emphasis on practical applications. The circuits to be examined are designed to
exhibit linear, frequency-independent transfer characteristics. Linear circuits that
are deliberately intended for frequency-dependent behavior are more properly called
filters and will be studied in Chapters 3 and 4. Finally, noniinear op amp circuits
will be studied in Chapters 9 and 13.

To get a feel for what a given circuit does, we first analyze it using the ideal op
amp maodel. Then, in the spirit of Sections 1.6 and 1.7, we take a closer lock at how
op amp nonidealities. particularly the finite open-loop gain, affect its closed-loop
parameters. A more systematic investigation of op amp nonidealities, such as static
and dynamuc errors, will be carried out in Chapters 5 and 6, after we have developed
enough confidence with op amp circuits emphasizing the simpler op amp model.
The circuits of the present and other chapters that are most directly affected by such
limitations will be reexamined in greater detail then.

In the first half of the chapter we demonstrate how the op amp, which is basically
a voltage-type amplifier, can be configured for other forms of amplification, such as
current amplification and V-/ and I-V conversion. This exceptional versatility stems
from the negative-feedback ability (o modify the closed-loop resistances as well as
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stabilize gain. The judicious application of this ability allows us to approach the
ideal amplifier conditions of Table 1.1 to a highly satisfactory degree.

The second part of the chapter addresses instrumentation concepts and applica-
tions. The circuits examined include difference amplifiers, instrumentation ampli-
fiers, and transducer-bridge amplifiers, which are the workhorses of today’s auto-
matic test, measurement, and control instrumentation.

21
CURRENT-TO-VOLTAGE CONVERTERS

A current-to-voltage converter (I-V converter), also called a transresistance ampli-
fier, accepts an input current i; and yields an output voltage of the type vp = Aij,
where A is the gain of the circuit in volts per ampere. Referring to Fig. 2.1, assume
first that the op amp is ideal. Summing currents at the virtual-ground node gives
ir+(wg—-0)/R=0,0r

Vo:—Ri[ (2])

The gain is — R and is negative because of the choice of the reference direction of
{7; inverting this direction gives v = Ri;. The magnitude of the gain is also called
the sensitivity of the converter because it gives the amount of output voltage change
for a given input current change. For instance, for a sensitivity of 1 V/mA we need
R = 1kQ, for a sensitivity of 1 V/uA we need R = 1 M, and so on. If desired,
gain can be made variable by implementing R with a potentiometer. Note that the
feedback element need not necessarily be limited to a resistance. In the more general
case in which it is an impedance Z(s), where s is the complex frequency, Eq. (2.1)
takes on the Laplace-transform form V,(s) = —Z(s)/;(s), and the circuit is called
a transimpedance amplifier.

We observe that the op amp eliminates loading both at the input and at the
output. In fact, should the input source exhibit some finite parallel resistance Ry, the
op amp eliminates any current loss through it by forcing 0 V across it. Also, the op
amp delivers v to an output Joad Ry with zero output resistance.

Closed-Loop Parameters

Let us now investigate the departure from ideal if a practical op amp is used. Com-
paring with Fig. 1.26b and ¢, we recognize the shunt-shunt topology. We can thus

FIGURE 2.1
Basic 7-V converter.
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apply the techniques of Section 1.7 and write

r=_ 2 22
_rd+R+r,, 22
1 rg [l (R+ry) ro
A:—R“ = = .
1+ 1T ! 14T T 4T 23)

EXAMPLE 2.1. Find the closed-loop parameters of the circuit of Fig. 2.1 if it is imple-
mented with a 741 op amp and R = | MQ2.

Solution. Substituting the given component values, we get T = 133,330, 4 =
~0.999993 V/ A, R, =59, and R, = 56 m{.

High-Sensitivity I-V Converters

It is apparent that high-sensitivity applications may require unrealistically large
resistances, Unless proper circuit {abrication measures are adopted, the resistance
of the surrounding medium, being in parallel with R, will decrease the net feedback
resistance and degrade the accuracy of the circuit. Figure 2.2 shows a widely used
technique to avoid this drawback. The circuit utilizes a T-network to achieve high
sensitivity without requiring unrealistically large resistances.

Summing currents at node v yields —vy{/R —v{/R| + (vg —v1)/R2 = 0. But
vi = —Rij, by Eq. (2.1). Eliminating v| yields

vo = —kRij (2.4a)
R, R

= ot I 2.4b

k=1+ 3 + R (2.4b)

The circuit in effect increases R by the multiplicative factor k. We can thus achieve
a high sensitivity by starting out with a reasonable value of R and then multiplying
it by the needed amount k.

EXAMPLE 2.2. In the circuit of Fig 2.2 specify suitable component values to achieve
a sensitivity of 0.1 VinA.

Solution. We have kR = 0.1/10°% = 100 M, a fairly large value. Start out with
R = 1 M2 and then multiply it by 100 to meet the specifications. Thus, | + R2/Ry +
Ry/10° = 100. Since we have one equation but two unknowns, fix one unknown;
for example, let Ry = 1 k2. Then, imposing | + RofHP 4+ Ra/ 10" = 100 yiclds
Ry =99 k2 (use 100 k2, the closest standard). If desired, Ry can be made variable for
the exact adjustment of kR.

FIGURE 2.2
High-sensitivity 7-V converter.

~Voias
(a) ()

FIGURE 2.3
(a) Photoconductive and (#) photovoltaic detectors.

Real-life op amps do draw a small current at their input terminals. Called the
input bias current, it may degrade the performance of high-sensitivity I-V converters,
in which i itself is quite small. This drawback can be avoided by using op amps
specifically rated for low input bias current, such as JFET-input and MOSFET-input
op amps.

Photodetector Amplifiers

One of the most frequent I-V converter applications is in connection with current-
type photodetectors such as photodiodes and photomultipliers.! Another common
application, I-V conversion of current-output digital-to-analog converters, will be
discussed in Chapter 12.

Photodetectors are transducers that produce electrical current in response to
incident light or other forms of radiation, such as X rays. A transresistance amplifier
is then used to convert this current to a voltage, as well as eliminate possible loading
both at the input and at the output. ~

One of the most widely used photodetectors is the silicon photodiode. The tea-
sons for its popularity are its solid-state reliability, low cost, small sizc, and low
power dissipation.! The device can be used either with a reverse bias voltage, in the
photoconductive mode, shown in Fig. 2.3q, or with zero bias, in the photovoltaic
mode, shown in Fig. 2.3h. The photoconductive mode offers higher specd: i is there-
fore better suited to the detection of high-speed light pulses and to high-frequency
light-beam modulation applications. The photovoltaic mode offers lower noise and
is therefore better suited to measurement and instrumentation applications. The cir-
cuitof Fig. 2.35 can be used as a light meter by calibrating its output directly in units
of light intensity.

2.2
VOLTAGE-TO-CURRENT CONVERTERS

A voltage-to-current converter (V-1 converter), also called a transconductance
amplifier, accepts an input voltage v; and yields an output current of the type
ig = Avy, where A is the gain, or sensitivity, of the circuit, in amperes per volt. For
a practical converter, the characteristic takes on the more realistic form

|
i() = Al” — R—l’L (2.5a)

1)

~
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where v, is the voltage developed by the output load in response to i g, and R, is the
converter’s output resistance as seen by the load. For true V-{ conversion, ig must
be independent of v, ; that is, we must have

R, = (2.5b)

Since it outputs a current, the circuit needs a load in order to work; leaving the
output port open would result in circuit malfunction as ig would have no path in
which te flow. The voltage compliance is the range of permissible values of v for
which the circuit still works properly, before the onset of any saturation effects on
the part of the op amp.

If both terminals of the load are uncommitted, the load is said to be of the floating
type. Frequently, however, one of the terminals is already committed to ground or to
another potential. The load is then said to be of the grounded type, and the current
from the converter must be fed to the uncommitted terminal.

Floating-l.oad Converters

Figure 2.4 shows two basic implementations, both of which use the load itself as the
feedback element; if one of the load terminals were already committed, it would of
course not be possible to use the load as the feedback element.

Inthe circuit of Fig. 2.4 the op amp outputs whatever current i it takes to make
the inverting-input voltage follow vy, or to make Rig = v;. Solving for ip yields

. I
fo =4I (2.6)

This expression holds regardless of the type of load: it can be linear, as for a re-
sistive transducer; it can be nonlinear, as for a diode; it can have time-dependent
characteristics, as for a capacitor. No matter what the load, the op amp will force it
to carry the current of Eq. (2.6), which depends on the control voltage v; and the
current-selting resistance R, but not on the load voltage v . To achieve this goal, the
op amp must swing its output to the value v = v; + v, something it will readily
do as long as V,,, < v < Viu. Consequently, the vollage compliance of the circuit
is (Vor. —vy)<vy < (Vou—vyp).

In the circuit of Fig. 2.4b the op amp keeps its inverting input at 0 V. Con-
sequently, its output terminal must draw the current ip = (v; — 0)/R, and it must

i ‘o
R <2 R (L

Sl

vy

(a) &)

FIGURE 2.4
Floating-load V-1 converters.

swing to the voltage vg = —v. Apart from the polarity reversal, the current is the
same as in Eq. (2.6); however, the voltage compliance is now Vo, < v < Vop.

We observe that Eq. (2.6) holds for both circuits regardless of the polarity of v;.
The arrows of Fig. 2.4 show current direction for v; > 0; making v; < 0 will simply
reverse the direction. The two converters are thus said to be bidirectional,

Of special importance is the case in which the load is a capacitor, so that the
circuit is the familiar integrator. If v; is kept constant, the circuit will force a constant
current through the capacitor, causing it to charge or discharge, depending on the
polarity of v;, at a constant rate. This forms the basis of waveform generators such
as sawtooth and triangular waveforms generators, V-F and F-V converters, and dual-
ramp A-D converters.

A drawback of the converter of Fig. 2.4b is that i 9 must come from the source
v; itself, whereas in Fig. 2.4a the source sees a virtually infinite input resistance.
This advantage, however, is offset by a more restricted voltage compliance. The
maximum current either circuit can deliver to the load depends on the op amp. For
the 741, this is typically 25 mA. If larger currents are required, one can either use a
power op amp or a low-power op amp with an output current booster.

EXAMPLE 2. Letbothcircuitsof Fig. 2.4havev, =5V, R = 10k§2, £V, = £13V,
and a resistive load R, . For both circuits find (a) io; (b) the voltage compliance; (c) the
maximum permissible value of R,.

Solution.

{@) ig =5/10 = 0.5 mA, flowing from right to left in the circuit of Fig. 2.4a and from
left to right in that of Fig. 2.4b.

(b) For the circuit of Fig. 2.4a, —18 V < v, <8 V; for the circuit of Fig. 2.4b, — 13 V <
v <13V,

(c) With a purely resistive load, v, will always be positive. For the circuit of Fig, 2.4,
Ry <8/0.5 = 16 ks2; for the circuit of Fig, 2.4b, Ry < 13/0.5 = 26 kQ.

Practical Op Amp Limitations

We now wish to investigate the effect of using a practical op amp. After the op amp
is replaced with its practical model, the circuit of Fig. 2.4a becomes as in Fig. 2.5.
Summing voltages, we get v; — vp + vi + rpip — avp = 0. Summing currents,

FIGURE 2.5

Investigating the effect of using a
practical op amp.
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It is apparcent that as a — oo, we get the ideal results A — 1/R and R, — oo,
However, for a finite gain a, A will exhibit some error, and R,, though large, will
not be infinite, indicating a weak dependence of ip on vy . Similar considerations
hold for the circuit of Fig. 2.4b.

Grounded-Load Converters

When one of its terminals is already committed, the load can no longer be placed
within the feedback loop of the op amp. Figure 2.6a shows a converter suitable for
grounded loads. Referred to as the Howland current pump after its inventor, the circuit
consists of an input source v; with series resistance R|, and a negative-resistance
converter synthesizing a grounded resistance of value — Ry R3/R4. The circuit seen
by the load admits the Norton equivalent of Fig. 2.6b, whose i-v characteristic is
given by Eq. (2.52). We wish to find the overall output resistance R, seen by the
load.

To this end, we first perform a source transformation on the input source v and
its resistance R, and then we connect the negative resistance in parallel, as depicted
in Fig. 2.7. We have 1 /R, = 1/R| 4+ 1/(—R3R3/R,). Expanding and rearranging,
we get

- Ry
R2/R) — R4/R3

As we know, for true current-source behavior we must have R, = oo. To achieve
this condition, the four resistances must form a balanced bridge:

R4_R2
Ry Ry

Ro (2.8)

29

Ry R,

Yo

+ R
vy |Load &'r)

) h)

FIGURE 2.6
Howland current pump and its Norton equivalent.

FIGURE 2.7
Using a negative resistance to control R,..

When this condition is met, the output becomes independent of v, :

1
ig= ETP, (2.10)

Clearly, the gain of the converter is 1/Rq. For v; > 0 the circuit will source
current to the load, and for v; <0 it will sink current. Since v; = vgR3/(R3 +
R4) = vgR1/(R) + R3), the voltage compliance is, assuming symmetric output
saturation,

R
R+ Ry
For the purpose of extending the compliance itis thus desirable to keep Ra sufficiently
smaller than R, {e.g., Ry = 0.1Ry).

If a fixed source or sink is needed, v; can be obtained from one of the dc supply
voltages, in the manner of the offsetting amplifier of Example 1.5.

vel < Vsar 2.1

EXAMPLE 24. Using a 741 op amp powered from £15-V regulated supplies, design
a I-mA dc source having a 10-V voltage compliance.

Solution. Letting v; = +15 V, we obtain, from Eq. (2.10), R; = 15/ = 15kS2. By
Eq. (2.11), we want 10 = 13 x R|/(R| + R3), thatis, R, = 0.3R,. Pick Ry = Ry =
15.0k2 (1%), and R; = Ry = 0.3 x 15 = 4.5 kQ2 (use 4.42 kQ, 1%). The circuit is
shown in Fig. 2.8. along with its Norton equivalent.

150k

4.42 k0

442kQ

|L«md|&| mA ImA

(a) b)

FIGURE 2.8
A 1-mA source and its Norton equivalent.
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CHAPTER 2 feedback path. According to Eq. (1.76), we can express the corresponding feedback and We can lgnore ferms in p. 1 2 2. Comparison with Eq. (2.12) indicates that we can SECTION 2.2
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Resistive denotes the load. By Eq. (2.9), these can be put in the form ' [€lmar = dp Converters
Feedback
- I _ ____MA___I_ (u) For 1% resistances we have |€|p = 4 x 0.01 = (.04, indicating a resistance
Av =17 Ra/R, Ar=17 Ra/R; + Ra/RL ratio mismatch as large as 4%. Thus, |Rylmia = Ri/l€lmes = 15.0/0.04 = 375 k€2,

It is apparent that as long as the circuit is terminated on some finite load Ry, < oo,
we have By > Bp. indicating that negative feedback wil! prevail, thus resulting in a
stable circuit.

Effect of Resistance Mismatches

In a practical circuit the resistive bridge is likely to be unbalanced because of resis-
tance tolerances. This will inevitably degrade R,, which should be infinite for true
current-source behavior. It is therefore of interest to estimate the worst-case value
of R,, for given resistance-tolerance specifications.

An unbalanced bridge implies unequal resistance ratios in Eq. (2.9), acondition
that we can express in terms of the imbalance factor € as

R4_

A T TS

indicating that with 1% resistances we can expect R, to be anywhere in the range
|R,| = 375 k2.

(b) Improving the tolerance by an order of magnitude increases | R, |, Dy the same
amount, so |R,| = 3.75 MQ.

(c) For IRulum\ = 50MQ, we need Ielm.xx = RI/lRulnun =(15x I()‘)/(SO X ”)h] =
3x 1074 Then p < |€]uun/4 = 3 x 1071/4 = 0.0075%, tmplying highly precise
resistors!

An alternative to highly precise resistors is to make provision for resistance
trimming. However, a good designer will strive to avoid trimmers whenever possible
because they are mechanically and thermally unstable, they have finite resolution, and
they are bulkier than ordinary resistors. Moreover, the calibration procedure increases
production costs. There are, nonetheless, situations in which, afier a careful analysis
ol cost, complexity, and other pertinent factors, trimming still proves preferabic.

Figure 2.9 shows a sctup for the calibration of the Howland circuit. The input

— = &(l — €} (2.12) is grounded, and the load is replaced by a sensitive ammeter initially connected
Ry R t. to ground. In this state the ammeter reading should be zero; however, because of
Substituting in Eq. (2.8) and simplifying, we obtain tt op amp nonidealities such as the input bias current and the input offset voltage, to
R b be discussed in Chapter 5, the reading will generally be nonzero, albeit small. To
R, = hal} 2.13) r‘ calibrate the circuit for R, = 0o, we flip the ammeter to some other voltage, such
€ ' as 5 V, and we adjust the wiper for the same ammeter reading as when the ammeter
As expected, the smaller the imbalance, the larger R,,. [n the limit of perfect balance, | is connected to ground.

oras € —» (), we would of course have R, — o0o. We observe that € and therefore R,
can be either positive or negative, depending on the direction in which the bridge is

EXAMPLE 26. In the circuit of Example 2.4 specify a suitable timmer/resistor re-

unbalanced. By Eq. (2.5q), —1/R,, represents the slope of the iy versus vy charac- i placement for R; 1o allow bridge balancing in the case of 1% resistances.
istic. Conse , Rp = 0o implies a perfectly horizontal characteristic, R ; . : . .
!emll'lt‘ ‘(::'Illl\:gxzex:(t:)t{h R"i rht, and rl)?“:g l;)p'er eiies;yn l(ill tow:rd II::llLfl e fo >0 ; Solution. Since 4pR, = 4 x (.01 x 150 = 0.6k, the series resistance R, must
implies a ¢ right, o < U amples eit. , be smatler than 15.0 k2 by at least 0.6 k2, or R, < 15 — 0.6 = 14.4 k. To be on
! the safe side, let R, = 14.0 k& (1%). Then Ry = 2(15 — 14) = 2 k2. Summarizing,
EXAMPLE 25 (u) Discuss the implications of using 1% resistances in the circuit of ! Rpa = 2k, R, = 14.0kQ (1%), and all other resistors remain the same.
Example 2.4. (b) Repeat for (1% resistances. (¢) Find the resistance tolerance needed l
for [R.| = 50 MQ. !
Solution. The worst-case bridge imbalance occurs when, for instance, the ratio R./R, i
is maximized and R,/ Ry is minimized, that is, when Ry and Ry are maximized and i
Ry and Ry are minimized. Depoting the percentage olerunce of the resistances as p so !
that, for instance, for 1% resistances we have p = (101, we observe that to achieve the }
batanced condition of Eq. (2.9), the minimized resistances must be multiplied by 1+ p, i
and the maximized ones by 1 — p, thus giving
Bldtp _ Rtl-p) 3
Rl-p KU+ !

Rearranging, we get
Ry Rl - [o%

S YR TR V. J
= —— = e U - = — — )y
R R|(| +’7)Z R| f / R| !

FIGURE 2.9
Howland circuit calibration.
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Effect of Finite Open-1.oop Gain

We now investigate the eftect of a finite open-loop gain on the transfer characteristic
of the Howland circuit. To evidence the effect of the op amp alone, we assume the
resistances to form a perfectly balanced bridge. With reference to Fig. 2.6a, we
have, by KCL,ig = (v; —vp)/R| + (vg — v1 )/ R;. The circuit can be viewed as a
noninverting amplifier that amplifies vy toyield vg = via/[1 + ¢ R3/(R3 + R4)|.
Using Eq. (2.9), this can be written as vg = vy a/[l +aR/(R) + R2)). Eliminating
vo and rearranging yields i = (1/Ry)vy — (1/R,)v;., where

4

Ry=(R{ | R I+ - e ) (2.14
dm e (145 i )
|'This expression could have been obtained also via Eq. (1.71).) A finite open-loop
gain [caves the sensitivity 1/ R unchanged, however, it decreases R, from oo to the
value given in Eq. (2.14).

EXAMPLE 27. Find the output resistance of the 1-mA source of Example 2.4. Confirm
your results using PSpice.

Solution. R, = (15113) x 10°(1 + 200 x 10°/(1 + 3/15)] = 417 MQ. Using the
subcircuit OA discussed at the end of Section 1.2, we write the following circuit file:

Finding R, for the Howland ecircuit:

R1 0 1 15k ibottom left resistance
R2 1 3 3k sbottom right resistance
R3I 0 2 15k jtop left resistance
J R4 2 3 3k jtop right resistance
X123 0A jactivates the op amp
iteat 0 1 1nA ;applies a 1-pA test curremt
.end
“The PSpice simulation gives u voltage of 0.4120 at node |, so R, = 0412071077 =
412 M, which is close enough to the predicted value.

Improved Howland Current Pump

Depending on circuit conditions, the Howland circuit can be unnecessarily wasteful
of power. As an example, letv; = | V, Ry = Ry =1 k2. and Ry = Ry = 100 2,
and suppose the load is such that vy = 10 V. By Eq. (2.10), ip = 1 mA. Note,
however, that the current through R toward the left is ¢ = (vi. — vi)/R) =
(10— 1)/1 = Y mA, indicuting that the op amp will huve to waste 9 mA through R,
1o deliver only 1 mA to the load under the given conditions. This inefﬁcient use of
power can be avoided with the modification of Fig. 2.10, in which the resistance R
has been split into two parts, Ry4 and Rag, such that the balanced condition is now

Ry _ Ras + Rap

- (2.15a)
R R

It is left as an exercise (see Problem 2.12) to prove that when this condition is met,

ET4 ol

P

R_|(= R;)

Ryt=Ry)

FIGURE 2.10
fmiproved Howland circuit.

the load still sees R, = oo, but the transfer characteristic is now

= Re/R

Ras

Aside from the gain term R,/ R), the sensitivity is now set by Ry g, indicating that
R3p can be made as small as needed while the remaining resistances are kept high
in order to conserve power. For instance, letting Ry = | k2, R) = Ry = Rg =
100 k2, and Rp4 = 100 — | = 99 k2, we still getig = 1 mA withv; = 1 V.
However, even with vz = 10 V, very little power is now wasted in the large 100-kQ
resistances. The voltage compliance is approximately |v; | < [Vsw| = Raplip|. By
Eq. (2.15b), this can be written as v | < |Veul ~ (R2/RD|v;.

Since Howland circuits employ both positive and negative feedback, they may
become oscillatory under certain conditions.% Two small capacitors (typically on the
order of 10 pF)in parallel with R4 and R; are usually adequate to make negative feed-
back prevail over positive feedback at high frequencies and thus stabilize the circuit.

i (2.15b)

23
CURRENT AMPLIFIERS

Even though op amps are voltage amplifiers, they can also be configured for current
amplification. The transfer characteristic of a practical current amplifier is of the type

l'() = Ai[ - Ll'L
(4]
where A is the gain in amperes per ampere, v is the output load voltage, and R, is
the output resistance as seen by the load. To make ip independent of v, a current
amplifier must have

(2.16a)

Ry, =00 (2.16b)

Current-mode amplifiers are used in applications in which information is more con-
veniently represented in terms of current than in terms of vollage, for example, in
two-wire remote sensing instrumentation, photodetector output conditioning, and
V-F converter input conditioning.”

Figure 2.11 shows a current amplifier with a floating load. Assume first that
the op amp is ideal. By KCL, i is the sum of the currents through R and R3, or

mn
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FIGURE 2.11
Floating-load current amplitier.

ip =17+ (R2i;)/ Ry, orip = Aiy, where

A=1+—= 2.17)
|

This holds regardiess of v , indicating that the circuit yields R, = oc. If the op amp
has a finite gain «, one can prove (see Problem 2.20) that

Raf Ry
1+ 1/a

indicating a gain error as well as a finite output resistance. One can readily verify
that the voltage ompliance is —(Voy + Rzif) < vp < —(VoL + Raip).

Figure 2.12 shows a grounded-load current amplifier. Because of the virtual
short, the voliage across the input source is v, so the current entering K3 from the left
isis — vy /Rs. The op amp output is then v, = v — Ra(is ~ vy /Ry). By KCL and
Ohm’s law,ig = (vos— v )/ R1. Eliminating v, givesio = Aig — (1/Ro)v L, where

R R
R, R, = %5 Ry (2.19)

The negative gain indicates that the actual direction of iy is opposite to that
shown, Consequently, sourcing current to (or sinking current from) the circuit will
cause it to sink current from (or source current to) the load. If Ry = R», then
A = —1 A/A and the circuit functions as a current reverser, or current mirror.

We observe that R, is negative, something we could have anticipated by compar-
ing our amplifier with the negative-resistance converter of Fig. 1.20b. The fact thai
R, is finite indicates that iy is not independent of vy, To avoid this shoricoming, the
circuit is used primarily in connection with loads of the virtual-ground type (v = O,
as in certain types of current-to-frequency converters and logarithmic amplitiers.

A=1+

Ry =Ryl +a) (2.18)

FIGURE 2.12
Grrunded-load current amplifier,

—

24
DIFFERENCE AMPLIFIERS

The difference amplifier was introduced in Section 1.4, but since it forms the basis
of other important circuits, such as instrumentation and bridge amplifiers, we now
wish to analyze it in greater detail. Referring to Fig. 2.13a, we recall that as long as
the resistances satisfy the balanced-bridge condition
Ry Ry
R R
the circuit is a true difference amplifier, that is, its output is linearly proportional to
the difference of its inputs,

(2.20a)

R
vo = Ff(\!z —-v) (2.20b)

The unique characteristics of the difference amplifier are better appreciated if we
introduce the differential-mode and the common-mode input components, defined as

VDM = V2 — V]| 2.21a)

VCM = L -;Vz (2.2”’)

Inverting these equations, we can express the actual inputs in terms of the newly
defined components:

V] = VCM — VI;M (2.22a)
v
vy =veMm + —m';M (2.22b)

This allows us to redraw the circuit in the form of Fig. 2.13b. We can now concisely
define a true difference amplifier as a circuit that responds only to the differential-
mode component vpy, completely ignoring the common-mode component vom. In
particular, if we tie the inputs together to make vpy = 0, and we apply a common
voltage vy # 0, a true difference amplifier will yield vp = 0 regardless of the
magnitude and polarity of vcp. Conversely, this can serve as a test for finding how

(a) (B)

FIGURE 2.13

(a) Difference amplifier. (b) Expressing the inputs in terms ol the common-mode and
differential-mode components vey and vom.
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R;. i
B R, Ry, =
(a} [fa]

FIGURE 2.14
Differential-mode and common-mode input resistances.

close a practical difference amplifier is to ideal. The smaller the output variation due
1o a given variation of vep is, the closer the amplifier is to ideal.

The decomposition of v| and v into the components vpm and v not only
is a matter of mathematical convenience but also reflects a situation quite common
in practice, that ol a low-level difTerential signal riding on a high common-mode
signal, as in the case of transducer signals. The useful signal is the differential one;
extracting it from the high common-mode environment and then amplifying it can
be a challenging task. Dilierence-type amplifiers are the natural candidates to mect
this challenge.

Figure 2.14 iMustrates the differential-mode and common-mode input resis-
tances. Tt is readily seen (see Problem 2.26) that

Ri+ Ry

3 (2.23)

Ri¢ =2R Ri, =

Effect of Resistance Mismatches

A difference amplifier will be insensitive to vcm only as long as the op amp is ideal
and the resistors satisfy the balanced-bridge condition of Eq. (2.204). The effect of
op amp nonidealities will be investigated in Chapters 5 and 6; here we shall assume
ideal op amps and explore only the effect of resistance mismatches. In general, it
can be said that if the bridge is unbalanced, the circuit will respond not only o vpym
but also to vem.

EXAMPLE 28. In the circuit of Fig. 2.13a let Ry = Ry = 10kQ and Ry = Ry =
100 k2. (a) Assuming perfectly matched resistors, find v for each of the following input
voltage pairs: (1, 12) = (=01 V.4 0.1 V), (49 V. 5.1 V1. (99 V., 10.1 V). (b) Repeat
(@) with the resistors mismatched as follows: Ry = 10k§2, Ry = 98kQ, Ry = 9.9kQ,
and Rgq = 103 k2. Comment.

Solution.

(@) vo=(100/10)(vy ~ vy) = HHvy —vy) Since vy — vy = 0.2 V in each of the three
cases, we get vy = 10 x 0.2 = 2 V regardless of the common-muode component,
which is. in order, vom = 0V, 5 V, and 10V for the three input voliage pairs.

(h) By the superposition principle, v = Ay — Apr), where Ay = (L + Ry/Ry/
4+ Ry/R) = (1 4 98/10)/01 +9.9/103) = 9.853 V/V, and A, = Ry/R, =
98/10=9.8 VIV. Thus, Tor (v, v2) = (—0.1 V, +0.1 V) we obtain v = 9.853
(0.1 — 98(-0.1) = 1.965 V. Likewise. for (v, v2) = (4.9 V, 5.1 V) we get
vo = 2230 Voand Tor (v v2) = (9.9 V, L] V) we get vg = 2.495 V. As a
consequence of mismatched resistors, not only do we have vg # 2 V. but v also
changes with the common-mode component. Clearly the circuit is no longer a irue
difference amplifier.

The effect of bridge imbalance can be investigated more systematically by in-
troducing the imbalance factor €, in the manner of the Howland circuit of Section
2.2. With reference to Fig. 2.15 we conveniently assume that three of the resistances
possess their nominal values while the fourth is expressed as R2(1 — €) to account
for the imbalance. Applying the superposition principle,

Ry(1 —¢€) ( “DM) Ri+ Ryl —¢) Ry YpM

vg =———— L {vem — — |+ X ) —_—
R MT5 R R+ Ra (‘CM+ 2 )

Multiplying out and collecting terms, we can put v in the insightful form

Vo = AdnVDM t Acm¥CM (2.24a)

A ~R2(| R'+2R2‘) 2.24
dm = RI RI n RZ 3 (2. h)

Ry

Ay = —— .
m Rt Rze (2.24¢0)

As expected, Eqg. (2.24a) states that with an unbalanced bridge, the circuit responds
not only to vpMm but also to vy, For obvious reasons Agm and Aem are called,
respectively, the differential-mode gain and the common-mode gain. Only in the
limit ¢ — 0 do we obtain the ideal results Agy = R3/R) and Acm = 0.

The ratio Agm/Acm represents a figure of merit of the circuit and is called the
common-mode rejection ratio (CMRR). Its value is expressed in decibels (dB) as

dim

A
CMRRyy = 20logyo | - (2.25)

-CIm
For a true difference amplifier, Acy, — Oand thusCMRRyp — o0o. For asufficiently
small imbalance factor €, the second lerm within parentheses in Eq. (2.24b) can be ig-
nored in comparison withunity, and we can write Agm/Acm = (Ry/Ry)/[Ray€e/(Ry+

FIGURE 2.15
Investigating the elfect af resistance mis-
malches.
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[ - ~a

Ry)) or

CMRRgp = 20log,,

I_M (2.26)
€

The reason for using the absolute value is that « can be positive or negative, depending
on the direction of the imbalance. Note that for a given e, the larger the differential
guin R2/ R, the higher the CMRR of the circuit.

EXAMPLE 9. In Fig. 203 let R =Ry=10kQ and Ry= Ry=I100kSQ.
() Discuss the implications of using 1% resistors, () Hlustrate the case in which the
inputs are tied together and are driven by a common 10-V source. (¢} Estimate the
resistance tolerance needed for a guaranteed CMRR of 80 dB.

Solution.

(a) Proceeding along lines similar (o those in Example 2.5, we can write |€|,., = 4p,
where p is the percentage tolerance. With p = 1% = 0.01, we get €] max = 0.04. The
worst-case scenario correspondsto A guminy = (100/10)[1-(210/110) < (.04/2) =
9.62 VIV # 10 VIV, and Agnimany = (100/110) x 0.04 = 0.0364 3 0. Thus,
CMRR,,;, = 20log,,(9.62/0.0364) = 48.4 dB.

(5) With ving = 0and vem = 10V, the output error can be as large as vp = Acmonaz) X
vem = 00364 x 10=0.364 V # 0,

(¢) To achieve o higher CMRR, we need to further decrease €. By Eq. (2.26), 80 =
20loguglt] F 10)/l€lmnl OF [edman = 1.1 5 107*. Then p = €] /4 = 0.0275%.

It is apparent that for high CMRRs the resistors must be very tightly matched.
The INAI0S (Burr-Brown?) is general-purpose monolithic difference amplifier
with four identical resistors that are matched within 0.002%.. In that case, Eq. (2.26)
yiclds CMRRdB = (X} dB.

The CMRR of a practical amplifier can be maximized by adjusting one of its
resistors, usually Ry. This is shown in Fig. 2.16. The selection of the series resistance
Ry and Rpo( follows the lines of the Howlaund circuit of Example 2.6, Calibration is
done with the inputs tied together to eliminate vpyp and evidence only vop. The fatter
is then fipped back and forth between two predetermined values, such as —~5 V and
+5 V. and the wiper is adjusted for a minimum variation at the output. To preserve
bridge balance with temperature and aging, it is advisable to use a metal-film resistor
array.

So far we have assumed ideal op amps. When studying their practical limitations
in Chapter 5, we shall see that op amps are themselves sensilive to vcp, so the

R, Ry

+5V

R,

FIGURKE 2.16
Difference-amplitier calibration.

FIGURE 2.17
Difference amplifier with variable gain.

CMRR of a practical difference amplifier is actually the result of two effects: bridge
imbalance and op amp nonideality. The two effects are interrelated so that it is
possible to unbalance the bridge in such a way as to approximately cancel out the
effect of the op amp. Indeed, this is what we do when we seek the minimum output
variation during the calibration routine.

Variable Gain

Equation (2.20b) might leave the impression that gain can be varied by varying just
one resistor, say, R;. Since we must also satisfy Eq. (2.20a), two resistors rather than
one would have to be varied, and in such a way as to maintain a very tight matching.
This awkward task is avoided with the modification of Fig. 2.17, which makes it
possible to vary the gain without disturbing bridge balance. It is left as an exercise
(see Problem 2.27) to prove that if the various resistances are in the ratios shown, then

v = — (l +——) (v2 —vp) 227
G

so that gain can be varied by varying the single resistor R¢.
It is often desirable that gain vary linearly with the adjusting potentiometer to
facilitate gain readings from potentiometer settings. Unfortunately, the circuit of

FIGURE 2.18
Difference amplifier with linear gain control.
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Fig. 2.17 exhibits a nonlinear relationship between gain and R¢. This drawback is
avoided by using an additional op amp, as in Fig. 2.18. As long as the closed-loop
output resistance of OA; is negligible, bridge balance will be unaffected. Moreover,
since OA provides phase reversal, the feedback signal must now be applied to the
noninverting input of OA. One can readily prove (see Problem 2.28) that

_ RRg
= RiRrs

so that the gain is linearly proportional to Rg.

2 ~vy) (2.28)

Ground-Loop Interference Elimination

In practical installations source and amplifier are often far apart and share the com-
mon ground bus with a variety of other circuits. Far from being a perfect conductor,
the ground bus has a small distributed resistance, inductance, and capacitance and
thus behaves as a distributed impedance. Under the effect of the various currents
flowing on the bus, this impedance will develop a small voltage drop, causing differ-
ent points on the bus to be at slightly different potentials. In Fig. 2.19, Z; denotes the
ground-bus impedance between the input signal common N; and the output signal
common N, and v, is the corresponding voltage drop. Ideally, v, should have no
effect on circuit performance.

Consider the arrangement of Fig. 2.19a, where v; is to be amplified by an
ordinary inverting amplifier. Unfortunately, the amplifier sees v; and v, in series, so

Ry
Vp = —El—(v,' + vy) (2.29)

The presence of the v, term, generally referred to as ground-loop interference or also
cross-talk for common return impedance, may degrade the guality of the output signal
appreciably, especially if v; happens to be a low-level signal of magnitude compa-
rable to v, as is often the case with transducer signals in industrial environments.
We can get rid of the vy term by regarding v; as a differential signal and v,
as a common-mode signal. Doing so requires changing the original amplifier to a

{a) (k)

FIGURE 2,19
Using a difference amplifier to eliminate ground-loop interference.

difference-type amplifier and using an additional wire for direct access to the input
signal common, in the manner shown in Fig. 2.195. By inspection, we now have

Vo = *"Tvi (2.30)

The price we are paying in increased circuit complexity and wiring is certainly worth
the benefits derived from the elimination of the v, term.

2.5
INSTRUMENTATION AMPLIFIERS

An instrumentation amplifier (1A) is a difference amplifier meeting the following
specifications: (a) extremely high (ideally infinite) common-mode and differential-
mode input impedances; (b) very low (ideally zero) output impedance; (c) accurate
and stable gain, typically in the range of 1 V/V to 10? V/V; and (d) extremely high
common-mode rejection ratio. The IA is used to accurately amplify a low-level signal
in the presence of a large common-mode component, such as a transducer output in
process control and biomedicine. For this reason, IAs find widespread application
in test and measurement instrumentation—hence the name.

With proper trimming, the difference amplifier of Fig. 2.13 can be made to meet
the last three specifications satisfactorily. However, by Eq. (2.23), it fails to meet
the first specification because both its differential-mode and its common-mode input
resistances are finite; consequently, it will generally load down the circuit supplying
the voltages vy and v, not to mention the ensuing degradation in the CMRR. These
drawbacks are eliminated by preceding it with two high-input-impedance buffers.
The result is a classic circuit known as the triple-op-amp IA.

Triple-Op-Amp IAs

InFig. 2.20 OA| and OA; form what is often referred to as the input or first stage, and
OA; forms the outpur or second stage. By the input voltage constraint, the voltage
across Rg is vi — vo. By the input current constraint, the resistances denoted R3
carry the same current as Rg. Applying Ohm’s law yields vp| — vp2 = (R3 +
Rg + R3)(vy —v3)/Rg, or

2R
VoL —vo21= (l + —3) (v —v2)
Rg

For obvious reasons the input stage is also referred to as a difference-input, difference-
output amplifier. Next, we abserve that QA3 is a difference amplifier, and thus

Rz( vou)
Vo = —\Vv _

o] R, 02— Vol
Combining the last two equations gives

vo = A(vy —vy) (2.31a)

A:A]XA”=(|+2ﬁ)X (5?_) (2.31b)
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FIGURE 2.20
Triple-op-amp instrumentation amplifier.

indicating that the overall gain A is the product of the first- and second-stage gains
Ajand Ayy.

The gain depends on external resistance ratios, so it can be made quite accurate
and stable by using resistors of suitable quality. Since 04, and'®A, are operated
in the noninverting configuration, their closed-loop input resistances are extremely
high. Likewise, the closed-loop output resistance of OA3 is quite low. Finally, the
CMRR can be maximized by proper trimming of one of the second-stage resistances.
We conclude that the circuit meets all the 1A requisites listed earlier.

Equation (2.315) points the way to go if variable gain is desired. To avoid
perturbing bridge balunce, we leave the second stage undisturbed and we vary gain
by varying the single resistance Rg. If linear gain control is desired, we can use an
arrangement of the type of Fig. 2.18.

EXAMPLE 2.10. (a) Design an [A whose gain can be varied over the range 1 V/V <
A < 10° V/V by means of a 100-kS pot. () Make provisions for a trimmer to optimize
its CMRR. (c) Outline a procedure for calibrating the trimmer.

Solution.

(a) Connectthe 100-k$2 pot as a variable resistor, and use a series resistance Ry to prevent
R from going to zero. Since A; > | V/V, werequire Ay; < 1 V/V in order o aliow
A to go all the way down to | V/V. Arbitrarily impose Ay = Ry/R, = 0.5 VIV, and
use Ry = 100k and R; =499 kQ, both 1%. By Eq. (2.31), A; must be variable
from 2 V/V 10 2000 V/V. At these extremes we have 2 = 1 + 2R3/ (Ry + 100 k)
and 2000 = 1 + 2R;/(Rs + 0). Solving, we obtain Ry = 50 £2 and R; = 50 k2.
Use Ry = 49.9 Q and Ry = 49.9 kS, both 1%.

(b} Following Example 2.6, 4pR; = 4 x 0.01 x 49.9 kQ2 = 2 k$2. To be on the safe

side, use a 47.5-k2, 1% resistor in series with a 5-k§2 pot. A suitable op amp is the

OP-27 precision op amp (Analog Devices). The circuit is shown in Fig. 2.21.

To calibrate the circuit, tie the inputs together and set the 100-k€ pot for the max-

imum gain (wiper all the way up). Then, while switching the common inputs back

and forth between —5 V and +3 V, adjust the 5-k pot for the minimum change at

the output.

{c

e

FIGURE 2.21
IA of Example 2.10.

The triple-op-amp IA configuration is available in IC form from various manu-
facturers. Familiar examples are the AD522 (Analog Devices) and INA101 (Burr-
Brown). These devices contain all components except for R, which is supplied
externally by the user to set the gain, usually from 1 V/V to 103 V/V. Figure 2.22
shows a frequently used circuit symbol for the JA, along with its interconnection
for remote sensing. In this arrangement, the sense and reference voltages are sensed
right at the load terminals, so the effect of any signal losses in the long wires is
eliminated by including these losses within the feedback loop. The accessibility to
these terminals affords additional fiexibility, such as the inclusion of an output power

FIGURE 2.22
Standard IA symbol and connection for remote sensing.
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booster to drive high-current loads, or the offsetting of the output with respect to
ground potential.

Dual-Op-Amp 1As

When high-quality, costlier op amps are used to achieve superior performance, it is of
interest to minimize the number of devices in the circuit. Shown in Fig. 2.23 i;' anIA
that uses only lwp_op amps. OA| is a noninverting amplifier, so vy = (14 R3/Ra)v,.
By the superposition principle, vo = —(Ra/Ry)v3 + (1 + R3/R))v;. Eliminating
v3, we can pul v (n the form

R 1+ R3/Ry
v0=(|+~—) x(v _ 1t Bk )
Bi) T T RR” @3
For true difference operation we require | + R3/R4 = 1 + Ry /R,, or
Ry _ Ry
R~ Fa (2.33)

When this condition is met, we have

R
vo = (HR—T) vy —vp) 2.34)

Morf:()\'/cr, the circuit enjoys high input resistances and low output resistance. To
maximize the CMRR, one of the resistors, say, R4, should be trimmed. The adjust-
ment of the trimmer proceeds as in the triple-op-amp case.

_ Adding a variable resistance between the inverting inputs of the two op amps
as in Fig, 2.24 makes the gain adjustable. It can be shown (see Problem 2.38) that
vo = A(vy — v;), where

_ R 2R
A=1+ Ry + Ro (2.35)
Compared with the triple-op-amp configuration, the dual-op-amp version offers
the obvious advantage of requiring fewer resistors as well as one fewer op amp. The
configuration is suited for realization with a dual-op-amp package, such as the OP-
227. ']:he tighter matching usually available with dual op amps offers a significant
boost in performance. A drawback of the dual-op-amp configuration is that it treats

Ri(=Ry)  Ry(=R) Ry R,

FIGURE 2.23
Dual-op-amp instrumentation amplifier.

FIGURE 2.24
Dual-gp-amp 1A with variable gain.

A

the inputs asymmetrically because v; has to propagate through OA) before catching
up with v,. Because of this additional delay, the common-mode components of the
two signals will no longer cancel each other out as frequency is increased, leading
to a premature degradation of the CMRR with frequency. Conversely, the triple-op-
amp configuration enjoys a higher degree of symmetry and usually maintains high
CMRR performance over a broader frequency range. The factors limiting the CMRR
here are mismatches in the delays through the first-stage op amps, as well as bridge
imbalance and common-mode limitations of the second-stage op amp.

Monolithic IAs

The need for instrumentation amplification arises so often that it justifies the man-
ufacture of special ICs to perform just this function.’ Compared with realizations
built using general-purpose op amps, this approach allows beiter optimization of the
parameters that are critical to this application, particularly the CMRR, gain linearity,
and noise.

The task of first-stage difference amplification as well as common-mode rejec-
tion is delegated to highly matched transistor pairs. A transistor pair is faster than a
pair of full-fledged op amps and can be made to be less sensitive to common-mode
signals, thus relaxing the need for very tightly matched resistances. Examples of ded-
icated IC 1As are the AD521/524/624/625 and the AMP-01 and AMP-05 (Analog
Devices). _

Figure 2.25 shows a simplified circuit diagram of the AMP-01, and Fig. 2.26
shows the basic interconnection to make it work with gains ranging from 0.1 V/V
to 10 V/V. As shown, the gain is set by the ratio of two user-supplied resistors Rg
and Rg as

A=20" (2.36)

With this arrangement one can achieve highly stable gains by using a pair of
temperature-tracking resistors.

Referring to Fig. 2.25 and the connection of Fig. 2.26, we can describe circuit
operation as follows. Applying a differential signal between the inputs unbalances
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Simplified circuit di g . .
Dev!)ccs.) ircuit diagram of the AMP-01 low-noise precision IA. (Courtesy of Analog

the curvents through Q) and @,. A i i

1ts through ¢ 2. A} reacts to this by unbalancin and in
.lhc opposite dlfecuon in order to restore the balanced condition ng=Qvlp at itsQ (fu:n
n?pu‘;s. A) achieves this l?y applying a suitable drive to the bottom transistor pair
via A3. The amount of drive needed depends on the ratio Rg/ R as well as on the

magnitude of the input difference. This drive forms the o
: . utput of
summarizes the salient features of the device. pot of the IA. Table 2.

FIGURE 2.2¢6

Basic AMP-01 connection for gains from 0.1 V/V to
10 V/mV. (Courtesy of Analog Devices.)

TABLE 2.1

Summary of AMP-01 characteristics

Offset voltage 15 uV

Offset voltage drift 0.1 uvy/eC

Noise 0.2 uVpp (0.1 Hz to 10 Hz)
Qutput drive +i0V @ £50 mA
Capacitive load stability To 1 uF

Gain range 0.1 10 10,000

Linearity 16 bit at G = 1000 V/V
CMRRg4p 140 dB at G = 1000 V/V
Bias current 1 nA

Output stage thermal shutdown

Countesy of Analog Devices.
Flying-Capacitor Techniques

A popular alternative for achieving high CMRRs is the flying-capacitor technique,
so called because it flips a capacitor back and forth between source and amplifier. As
exempliﬁcd6 in Fig. 2.27, flipping the switches to the left charges C) to the voltage
difference v2 — v1, and flipping the switches to the right transfers charge from C)
to C,. Continuous switch clocking causes C3 to charge up until the equilibrium
condition is reached in which the voltage across C2 becomes equal to that across

C). This voltage is magnified by the noninverting amplifier to give
vo = (l + ﬁ) (va —vy) (2.37)

R

To achieve high performance, the circuit shown uses the LTC1043 precision
instrumentation switched-capacitor building block and the LT1013 precision op

5v
O

"I' 5V

LTION3
\ * —0 Yo
-5v
= G Cy
1 uF

Q) Q
LTC1043
- i~ {7 ---
Cy

%

o-5V
10 nF

FIGURE 2.27
Flying-capacitor IA. (Courtesy of Linear Technology.)
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amp. The former includes an on-chip clock generator to operate the switches at a
frequency set by C4. With C4 = 10 nF, this frequency is 500 Hz. The function of
Cj3 is to provide low-pass fitering to ensure a clean output. Thanks to the flying-
capacitor technique, the circuit completely ignores common-mode input signals to
achieve a high CMRR, typically® in excess of 120 dB at 60 Hz.

2.6
INSTRUMENTATION APPLICATIONS

In this section we examine some issues arising in the application of instrumentational
amplifiers.” Additional applications will be discussed in the next section.

Active Guard Drive

In applications such as the monitoring of hazardous industrial conditions, source
and amplifier may be located far apart from each other. To help reduce the effect
of noise pickup as well as ground-loop inerference, the input signal is transmitted

in double-ended form over a pair of shielded wires and then processed with a dif- -

ference amplifier, such as an [A. The advantage of double-ended over single-ended
transmission is that since the two wires tend to pick up identical noise, this noise
will appear as a common-mode component and will thus be rejected by the IA. For
this reason, double-ended transmission is also referred to as balanced transmission.
The purpose of shielding is to help reduce differential-mode noise pickup.

Unfortunately, because of the distributed capacitance of the cable, another prob-
lem arises, namely, CMRR degradation with frequency. To investigate this aspect,
refer to Fig. 2.28, where the source resistances and cable capacitances have been
shown explicitly. Since the differential-mode component has been assumed to be
zero, we expect the output of the 1A to be likewise zero. In practice, since the time
constants R;1Cy and R3C7 are likely to be different, any variation in vey will
produce uneven signal variations downstream of the RC networks, or v} 3 v, thus
resulting in a differential error signal that the 1A will then amplify and reproduce at
the output. The effect of RC imbalance is therefore a nonzero output signal in spite
of the absence of any differential-mode component at the source. This represents a
degradation in the CMRR.

FIGURE 2.28
Model of nonzero source resistance and distributed cable
capacitance.

Shield

Vem

FIGURE 2.29 .
1A with active guard drive.

The CMRR due to RC imbalance is’

= ! 2.38)
CMRRdB =20 IOg]O 211’f Rdchm (
where Rgm = |Rs1 — Rs2| is the source resistance ‘imbalance, Cem = (Cy + g‘z)/?i
is the common-mode capacitance between each wire and the grgundgd shlelﬁd :;1
f is the frequency of the common-mode input cor_npom?nt. For instance, at oo z,
a source resistance imbalance of 1 K< in conjunction with a 100-foot cable agf(;ng
a distributed capacitance of | nF would degrade thf: CMRR 10 20 log o 1/(2760 %
10° x 10’9)] — 68.5 dB, even with an 1A having infinite CMRI.{ -
The effect of Cem can, to a first approximation, be neutralized by driving (;d e
shield with the common-mode voltage itself so as to reduce lhe_commtc;‘:}-m ;3
swing across Cem to zero. Figure 2.29 shows a popular way of achieving this g::(i
By op amp action, the voltages at the top and bottom nodes (_)f Rg are 1;|/ and
v,. Denoting the voltage across R;3 as vy, we can write veM = 22 +1vf: - b—-
W +va+va—v3)/2=(or+ vo2)/2, 1nd1c3‘ung lhatich can be i);{a ismr};
computing the mean of vo and v 7. This mean is found via the two 20-k§2 res
and is then buffered to the shield by OAs. .

Digitally Programmable Gain

In automatic instrumentation, such as data acquisition systems, 1t Is often dglsr;%l;
to program the gain of the 1A electronically, usually by means of JFET o; Mb -
switches. The method depicted in Fig. 2.30 programs the ﬁrs!-stagc gain Ayrbyu teg
a string of symmetrically valued resistors, ar?d a string of sun'ultaneously. acm:iame
switch pairs to select the tap pair corresponding to a given gain. At an‘z' gm:‘nbe u;
only one switch pair is closed and all others are open. By Eq. (2.315), A ca p



FIGURE 2.30
Digitally programmable 1A.
in the form
Routside
Ap=14 —=
Rinside @39

where Rinsid? is the sum of the resistances located between the two selected switches
anq Rou.;i_d,. is the sum of all remaining resistances. For the case shown, the selected
sw1tch. pairis SW|. 80 Rowside = 2R} and Rjpgige = 2(Ry+Ry+--. +'Rn) +R,
Se_lectmg SW, gives Routside = 2(R) + R3) and Rinside = 2(R3+- -+ Rp) + Rn+|'
:ll‘ |tshapparem tha: changinlg dto adifferent switch pair increases (or decreases) Ro:l;:de.
€ expense of an equal decreas i in Ripsi ieldi i
resistance ratio and, hznce, a diffeie(r?lrglgict:.ease) 1 Rinide (10 yilding a diffecent
' Th'e advantage of this topology is that the current flowing through any closed
.swnch isthe negligible input current of the corresponding op amp. This is particularl
important when the switches are implemented with FETs because FETs have Z
nonzero on-resistance and the ensuing voltage drop could degrade the accuracy of

;l:;t[ct With zero current this drop is also zero, in spite of the nonideality of the

+5V

24k

100 kQ

24 ki

-5V

FIGURE 2.31
1A with output offset control.

The two groups of switches of Fig. 2.30 can easily be implemented with CMOS
analog multiplexers/demultiplexers, such as the CD4051 or CD4052. Digitally pro-
grammable [As, containing all the necessary resistors, analog switches, and TTL.-
compatible decoder and switch-driver circuitry, are also available in IC form. Consult
the manufacturer catalogs for more information.

Output-Offsetting

There are applications that call for a prescribed amount of offset at the output of
an LA, as when an IA is fed to a voltage-to-frequency converter, which requires
that its input range be of only one polarity. Since the 1A output is usually bipolar,
it must be suitably offset to ensure a unipolar range. In the circuit of Fig. 2.31 the
reference node is driven by voltage Vggg. This voltage, in turn, is obtained from
the wiper of a pot and is buffered by 044, whose low output resistance prevents
disturbance of the bridge balance. Applying the superposition principle, we obtain
vo = A(vy —vy) + (1 + Ra/Ry) x [Ri/(R) + R2)IVREF, or

vo = A(vy —v1) + VRer 2.40)

where A is given by Eq. (2.3156). With the component values shown, VRgg is variable
from —-10Vio+10V.

Current-Output IAs

By tuming the second stage into a Howland circuit, in the manner depicted in
Fig. 2.32, we can configure the triple-op-amp 1A for current-output operation. This
type of operation is desirable when transmitting signals over long wires since the
stray wire resistance does not degrade current signals. Combining the results of
Problem 2.9 with Eq. (2.31b), we readily obtain

1+ 2R3/Rg
ip=——s——(v2

R - Vi) (2.41)
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FIGURE 2.32
Current-output 1A,

The gain can be adjusted via Rg., as usual. For effici i

. I ,asusual, cient operation, the Howland sta
can be improved with the modification of Fig. 2 i o
resistance should be trimmed. & %10- For igh CMRR, the op lel

. The dlfal- -amp 1A is conﬁ gured for purrent-output operation by the bootstrap-
ping technique® of Fig. 2.33. 1t is left as an exercise (see Problem 2.44) 1o prove that
the transfer characteristic of the circuit is of the type

. 1 1
o = —E(Vz -_— Vl) - E-VL (2‘420)

1¢)
Ry /Ry R
Rs/Ry ~ (Ry+ Ry)/R,

(2.42b)

§o_thal m'lposmg'Rz + R3 = Ry Rs5/R, yields R, = oo. If adjustable gain is desired
itis rea_d:]y obtained by connecting a variable resistance R¢ between the invertin ’
input pins of the two op amps, in the manner of Fig. 2.24, :
‘ Bc_sndes offering difference-input operation with high input resistances, the cir-
cuit enjoys the efficiency advantages of the improved Howland circuit bec‘ause R
can be kept as small as needed while al| remaining resistances can be made relativel;

FIGURE 2.33
Dual-op-amp IA with current output.

+

=
o]
E4

o

FIGURE 2.34
Current-input 1A.

large to conserve power. When this constraint is imposed, the voltage compliance is
approximately |vy| < Vgu — Religl = Vsa — 2|v2 — vy1-

Current-Input 1A

In current-loop instrumentation the need arises for sensing a floating current and
converting it to a voltage. To avoid perturbing the characteristics of the loop, it is
desirable that the circuit downstream appear as a virtual short. An YA can once again
be suitably modified to meet this requirement. In Fig. 2.34 we observe that OA| and
OA; force the voltages at their input pins to track vep, thus ensuring 0 V across the
input source. By KVL and Ohm’s law, vp2 = vem — Raij andvg = veum + R3i).
Butvg = (R2/R)) x (vg2 — vo)). Combining, we get

2R
vo = —_Iﬂsz (2.43)

If variable gain is desired, this can be obtained by modifying the difference stage
as in Fig. 2.17 or 2.18. If, on the other hand, the difference stage is modified as in
Fig. 2.32, the circuit becomes a floating-input current amplifier.

2.7 -
TRANSDUCER BRIDGE AMPLIFIERS

Resistive transducers are devices whose resistance varies as a consequence of some
environmental condition, such as temperature (thermistors; resistance temperature
detectors, or RTDs), light (photoresistors), strain (strain gauges), and pressure
(piezoresistive transducers). By making these devices part of a circuit, it is pos-
sible to produce an electric signal that, after suitable conditioning, can be used to
monitor as well as control the physical process affecting the transducer.” In general
it is desirable that the relationship between the final signal and the original physical
variable be linear, so that the former can directly be calibrated in the physical units
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of the latter. Transducers play such an important role in measurement and control
instrumentation that it is worth studying transducer circuits in some detail.

Transducer Resistance Deviation

Transducer resistances are expressed in the form R + AR, where R is the resistance
at some reference condition, such as 0 °C in the case of temperature transducers, or
the absence of strain in the case of strain gauges, and AR represents the deviation
from the reference value as a consequence of a change in the physical condition
affecting the transducer. Transducer resistances are also expressed in the alternative
form R(1 + 8), where 8 = AR/R represents the fractional deviation. Multiplying
3 by 100 yields the percentage deviation.

EXAMPLE 2.11. Platinum resistance temperature detectors (Pt RTDs) have a temper-
ature coefficient!® o = 0.00392/C. A popular Pt RTD reference value at T — 0°C
is 100 Q. (a) Write an expression for the resistance as a function of T. (b) Compute
R(T)for T =25°C, [00°C, —~15*C. {c) Calculate AR and 6 for a temperature change
AT =10°C.

Solution.

(a) R(T) = RO°C)(1 +eT) = 100(1 + 0.003927) Q.

(6) R(25°C) = 100(1 + 0.00392 x 25) = 109.8 Q. Likewise, R(100°C) = 139.2 Q@
and R(~15°C) = 94.12 Q.

() B+ AR = 100+ 100eT = 100 + 100 x 0.00392 x 10 = 100 @ + 392 @;

§ = aAT = 0.00392 x 10 = 0.0392. This corresponds to a change of 0.0392 x
100 = 3.92%,

The Transducer Bridge

To measure resistance deviation, we must find a method to convert AR to a voltage
variation AV. The simplest technique is to make the transducer part of a voltage
divider, as shown in Fig. 2.35. The transducer voltage is v = VRepR(l + 8)/
[Ry + R(1 + 8)], which can be put in the insightful form

3VREF
VREF +
Ri+R T 2y RIR+ R/R + O F R/R))S

2.44)

Sense
IA r—O vy
Reference
FIGURE 2,35
Transducer bridge and 1A,

where § = AR/ R. We observe that v consists of a fixed term plus a term controtled
by 8 = AR/R. Itis precisely the latter that interests us, so we must find a means for
amplifying it while ignoring the former. This is achieved by using a second voltage
divider to synthesize the term

vy = VREF (245)

Ry +R

and then using an IA to take the difference v| — v7. Denoting the IA gain as A, we
getvo = A(vy —w),or

8

i (2.46)
vp = AVREFI + Ry/R+(+ R/R)) +8)

The four-resistor structure is the familiar resistive bridge, and the two voltage dividers

are referred to as the bridge legs. . ‘
It is apparent that v is a nonlinear function of 8. In microprocessor-based

systems, a nonlinear function can easily be linearized in the software. Quite often,
however, we have § < 1, so

vo & AVRErF
2+ Ry/R+R/R
indicating a linear dependence of v o on é. Many bridges are designed with R| = R,
in which case Eqgs. (2.46) and (2.47) become
_AVggr &

(2.47)

= (2.48)
vo 4 1+42
~. AVREF 5 (2.49)
o0& —

EXAMPLE 212. Let the tranducer of Fig. 2.35 be the Pt RTD of Example 2.11, and let
Vrer = 15 V. (a) Specify values for R, and A suitable for achieving an output slensi.livity
of 0.1 V/°C near 0 °C. To avoid self-heating in the RTD, limit its power dlss_lpalmn to
less than 0.2 mW. (b) Compute v,,(lop °C) and estimate the equivalent error, in degrees
Celsius, in making the approximation of Eq. (2.47).

Solution.

(a) Denoting the transducer current as i, we have Prrp = Ri?. Thus, i? < Prroimax)/ R =
0.2 x 1073/100, or i = 1.41 mA. To be on the safe side, impose i = 1 mA, or
R = I5kQ. For AT = 1 °Cwe have § = o x | = 0.00392, and we want
Avp = 0.1V.ByEq.(2.47)weneed 0.1 = A x 15x0.00392/(2+15/0.1+0.1/15),
or A =2585V/V.

(b) For AT = 100 °C we have § = « AT = 0.392. Inserting into Eq. (2.46), we get
vo (100 °C) = 9.974 V. Equation (2.47) predicts that v, (100 °C) = 10.0 V, which
exceeds the actual value by 10 —9.974 = 0.026 V. Since 0.1 V corresponds to | °C,
0.026 V corresponds to 0.026/0.1 = 0.26 °C. Therefore, in using the approximated
expression, we cause, at 100 °C, an error of about one-quarter of a degree Celsius,

Bridge Calibration

‘Yilh AR = 0, a transducer bridge should be balanced and yield a zero voliage
difference between its taps. In practice, because of resistance tolerances, including
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+
Vrer

Ry

f—t

FIGURE 2.36
Bridge calibration.

the tolerance of the transducer’s reference value, the bridge is likely to be unbalanced
and a trimmer should be included to balance it. Moreover, the tolerances in the values
of the resistances and of VRer will affect the bridge sensitivity (v; — v3)/4, thus
creating the need for adjustment of this parameter as well.

Figure 2.36 shows a circuit that allows for both adjustments. Varying R,’s wiper
from its midway position will assign more resistance to one leg and less to the other,
thus allowing the compensation of their inherent mismatches. Varying R3 changes
the bridge current and hence the magnitude of the voltage variation produced by the
transducer, thus allowing the adjustment of the sensitivity.

EXAMPLE 2.13. Letaliresistorsin Example 2.12 have a 1% tolerance, and let Vygr have

a 5% tolerance. (a) Design a circuit to calibrate the bridge. (&) Outline the calibration
procedure.

Solution.

(@) A 5% tolerance in Vggr means that its actval value can deviate from its nominal
value by as much as +0.05 x 15 = £0.75 V. To be on the safe side and to also
include the effect of 1% resistance tolerance, assume a maximum deviation of +1 V,
and thus design for 14 V £ 1 V at Ry's wiper. To ensure a current of 1 mA at
each leg, we need Ry = 2/(1 + 1) = | kQ and R + Ry + Ry/2 = 14/1 =
14 kQ. Since R, must compensate for up to a 1% variation on each leg, we need
R; = 2x 001 x 14k = 280 Q. To be on the safe side, pick R; = 500 Q.
Then R| = 14k — 100  — 500/2 Q = 13.65 k§2 (use 13.7 kR, 1%). The
1A gain A must be recomputed via Eq. (2.47), but with Vpge = 14 V and with
13.7kQ + 500/2 @ = 13.95 kQ in place of R,. This yields A = 257.8 V/V.
Summarizing, we need R, = 13.7 K2, 1%; R; = 500 Q Ry = 1 k% and A =
257.8 VIV,

To calibrate, first set T = 0 °C and adjust R, for vo =0 V. Thenset T = 100 °C
and adjust Ry forvy = 100V,

b

—

Strain-Gauge Bridges

The resistance of a wire having resistivity p, cross-sectional area S, and length ¢
is R = p¢/S. Straining the wire changes its length to € + A¢, its areato S —~ AS,
and its resistance to R + AR = p(¢ + AD)/(S — AS). Since its volume must

remain constant, we have (£ + A£) x (S — AS) = S¢. Eliminating S — AS, we get
AR = R(AE/6)(2+ A€/8). But Al/€ « 2,50

AR = 2RATe : 2.50)

where R is the unstrained resistance and A¢/€ is the fraction.ai elongqtl'on. A str?in
gauge is fabricated by depositing resistive material on a flexible b?ckmg af:con_img
to a pattern designed to maximize its fractional elongation for_a given strain. Since
strain gauges are sensitive also to temperature, special precautions must be taken to
mask out temperature-induced variations. A common solution isto work with gauge
pairs designed to compensate for each other’s temperature variations. _

The strain-gauge arrangement of Fig. 2.37 is referred to as a load _ce_ll. Denoting
the bridge voltage as Vg and ignoring Ry for a moment, the voltage divider formula
yields vi = Vp(R + AR}/(R + AR+ R — AR) = V(R + AR)/2R,v; =
Vag(R — AR)/2R,and vy — vy = VgAR/R = Vgé, so

vo = AVREFS (2.51)

The sensitivity is now four times as large as that given in Eq. (2449.), thus relaxing
the demands upon the IA. Furthermore, the dependence of v on 4 is now perfectly
linear—another advantage of working with gauge pairs. To achieve the +AR and
—AR variations, two of the gauges will be bonded to one side of'the _slrucu-lre
under strain, and the other two to the opposite side. Even in installations in which
only one side is accessible, it pays to work with four gauges because two can be
used as dummy gauges to provide temperature compensation for the active ones.
Piezoresistive pressure sensors also use this arrangement. B )

Figure 2.37 also illustrates an altemative technique for balanf:mg the quge.
In the absence of strain, each tap voltage should be Vg /2. In practice ther? w1!l be
deviations due to the initial tolerances of the four gauges. B_y varying R7’s wiper,
we can force an adjustable amount of current through R that W}" increase or decrease
the corresponding tap voltage until the bridge is nulled. Resistors R3 and R4 drop
VRer to Vg, and R3 adjusts the sensitivity.

Vs R, Ry

b—0 v

Reference =

FIGURE 2.37
Strain-gauge bridge and IA.
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EXAMPLE 2.14. Let the strain gauges of Fig. 2.37 be 120-2, +1% types, and let their
maximum current be limited to 20 mA to avoid excessive self-heating. (a) Assuming
that Vrer = 15 V £ 5%, specify suitable values for R, through R,. (b) Outline the
calibration procedure.

Solution.

(a) By Ohm'slaw, Vg = 2 x 120 x 20 x 1072 = 4.8 V. In the absence of strain, the
tap voltages are nominally V/2 = 2.4 V. Their actual values may deviate from
Vi/2 by as much as £1% of 2.4 V, that is, by as much as +0.024 V. Consider
the case in which v = 2424 Vand v; = 2376 V. By moving R,’s wiper to
ground, we must be able to lower vy to 2.376 V, that is, to change v| by 0.048 V.
To achieve this, R; must sink a corrent { = 0.048/(1201 120) = 0.8 mA, so
Ry = 2.4/0.8 = 3 %2 (1o be on the safe side, use R; = 2.37kQ, 1%). To prevenmt
excessive loading of Ry’s wiperby Ry, use R; = 1 kS2. Under nominal conditions we
haveig, =ig, =2x20x 1073 + 4.8/10° = 45 mA. Following Example 2.13, we
wish Rj to drop a maximum of 2 V. So R; = 2/45 = 44 Q (use Ry = 50 ©2). With
Ry’s wiperhalfway we have Ry = (15—25 x45x 103 —-4.8)/(45x1073) = 202 Q2
(use 200 2). Summarizing, Ry = 2.37kS, R, = 1k, R3; =50Q,and R, = 200Q.

(b) To calibrate, first adjust R, so that with no strain we get vo = 0 V. Then apply a
known strain, preferably near the full scale, and adjust Ry for the desired value of v,

Single-Op-Amp Amplifier

For reasons of cost it is sometimes desirable to use a simpler amplifier than the
full-fledged IA. Figure 2.38 shows a bridge amplifier implemented with a single
op amp. After applying Thévenin’s theorem to the two legs of the bridge, we end
up with the familiar difference amplifier. One can then show (see Problem 2.49)
that

R ]
=2y 2.52
O R R R R Y A R R 5 9) 232)
For § « 1 this simplifies to
vo = 2y, (2.53)

R T RRY RRS

That is, v depends linearly on 8. To adjust the sensitivity and to null the effect of
resistafice mismatches, we can use a scheme of the type of Fig. 2.36.

FIGURE 2.38
Single-op-amp bridge amplifier,

Bridge Linearization

With the exception of the strain-gauge circuit of Fig. 2.37, all‘bridge circuits dis-
cussed so far suffer from the fact that the response is reasonably linear 9nly as long as
8 & 1. Itis therefore of interest to seek circuit solutions capable of a linear response
regardless of the magnitude of §. ) o

The design of Fig. 2.39 linearizes the bridge by driving it with a constant
current.!! This is achieved by placing the entire bridge within the feedback lqop
of a floating-load V-I converter. The bridge current is /p = VRgr/R). By using
a transducer pair as shown, Iz will split equally between the two legs. Since OA
keeps the bottom node of the bridge at Vpgg, we have vy = Vrgr + R(1 +8)15/2,
vy = VRer + Rlp/2,and v{ — vo9 = Réig/2, so

_ ARVREFB
- 2R,

The alternative design of Fig. 2.40 uses a single-transducer element and a'pair
of inverting-type op amps.!! The response is again linearized by placing thf? bridge
within the feedback loop of the V-I converter OAy. It is left as an exercise (see
Problem 2.49) to show that

(2.54)

vo

vo = FRVREF 5 (2.55)

R
For additional bridge circuit examples, see references 9, 11, 12, and 13 and the
end-of-chapter problems.

FIGURE 2.39
Bridge linearization by constant-current drive.

FIGURE 2.40
Single-transducer circuit with linear response.
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98 PROBLEMS

CHAPTER 2
Circuits with 2.1 Current-to-voltage converters
Resistive
Feedback 2.1 Using two op amps, design a circuit that accepts two current sources {| and i, having

parallel resistances R, and R, and yields v = (0.1 V/uA) x (i) —iz) to a load Ry,
regardless of R, R,, and R, . The reference directions of both sources are from ground
into your circuit. Try minimizing the number of resistors you use.

esign a circuit to convert a 4-mA-to-20-mA input current to a 0-V-to-10-V output
voltage. The reference direction of the input source is from ground into your circuit,
and the circuit is powered from £15-V regulated supplies.

2.3 Estimale the closed-loop parameters if the circuit of Example 2.2 is implemented with
a 741 op amp.

2.4 (a) Using an op amp powered from +15-V regulated supplies, design a photodetector
amplifier such that as i; changes from 0 to } uA, vo changes from -5 Vio +5V,

(b) What is the minimum open-loop gain for a deviation of the transfer characteristic

from the ideal of less than 1%7?
r

2.2 Voltage-to-current converters

2.5 (a) Show that the floating-load V-f converter of Fig. P25 yields ig = v; /(R /k),
k = 1 + Ry/Rj. (b) Specify standard 5% resistances for a sensitivity of 1 mA/V and
R, = 1 M2, where R; is the resistance seen by the input source. (¢) If +V,,, = +13 v,
what is the voltage compliance of your circuit?

FIGURE P2.5

2.6 In the circuit of Fig. P2.5 let R, = 100 k2, Ry =99kQ,and R; = 1 k2. If ry = 00,
a = 10° V/V, and r, = 0, estimate the resistance R, seen by the load.

2.7 Consider the following statements about the resistance R, seen by the load in the V-7
converter of Fig. 2.4h, where the op amp is assumed ideal: (a)} Looking toward the left,
the load sees R ||ry = R |00 = R, and looking to the right, it sees r, = 0; hence,
R, = R+ 0 = R. (b) Looking toward the left, the load sees a virtual-ground node
with zero resistance, and looking to the right, it sees r, = 0; hence, R, = 040 = 0.
(c) R, = 00 because of negative feedback. Which statement is correct? How would
you refute the other {wo?

2.8 Repeat Example 2.4 for the case of a 1.5-mA sink. Then find the currents through R,
and R, if the load is (@) a 2-kS2 resistor; (b) a 6-k2 resistor; {c) a 5-V Zener diode with
the cathode at ground; (d) a short circuit; (e) a 10-k$2 resistor. In (e), is ig still 1.5 mA?
Explain.

2.9 Suppose in the Howland circuit of Fig. 2.6a we lift the left tenni'nal of R; off ground
) and simultaneously apply an input v| via R; and an input v; via R,. Show that the
circuit is a difference V-1 converter with io = (1/R\)(va —vi) — (1/R,)v, where R,

is given by Eq. (2.8).

2.10 Design a grounded-load V-7 converter that converts a 0-V to 10-V input'to a 4-mA to
" 20mA output. The circuit is to be powered from £15-V regulated supplies.

i ing the following specifications: ig is to

11 Design a grounded-load current generator meeting t \
H be vagriable overtherange —2mA < ip < +2mA by meansof a §00-kS2 pot; the vol(?ge
compliance must be 10 V; the circuit is to be powered from +15-V regulated supplies.

2.12 (a) Prove Eq. (2.15). (b) Using a 741 op amp powered from £ 15-V supplies, design an
' improved Howland circuit with a sensitivity of 1 mA/V for — 10V < v; < 10V. The
voltage compliance of the circuit must aiso be 10 V. .

2.13 Design an improved Howland circuit whose sensitivity is variable from 0.1 mA/V to
1 mA/V by means of a 10-k€2 pot.

2.14 (a) Given that the circuit of Fig. P2.14 yields ip = A(v; —_v,)— (I/Ro)v!_, find expres-
sions for A and R, as well as the condition among the resistances that yields R, = co.
(b) Discuss the effect of using 1% resistances.

FIGURE P2.14

2.15 (a) Given that the circuit of Fig. P2.15 yields ip = Av_, —(1/R)ve, f_ind expressions
for A and R,, as well as the condition among”its resistances that yields R, = 00.

(b) Discuss the effect of using | % resistances.

FIGURE P2.15
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2.16 Repeat Problern 2.15 for the circuit of Fig. P2.16.

(3%

FIGURE P2.16

-

2.17 The current source of Example 2.4 drives a 0.1-uF load. (a) Assuming that the capac-
itance is initially discharged, sketch and label v (1 > 0). (b) Find the time it takes for
the op amp to enter the saturation region.

2.18 Repeat Problem 2.17 with R, (a) decreased by 10%, and (b) increased by 10%.

2.19 Assuming an ideal op amp, find the input resistance R; of a Howland current pump as
a function of the load R,. Comment.

2.3 Current amplifiers

2.20 (a) Prove Eqg. (2.18). (b) Assuming a 741 op amp in Fig. 2.11, specify resistances for
A = 10 A/A; estimate the gain 11+ o well as the output resistance of the circuit.

2.21 Find the gain as well as the output impedance of the current amplifier of Fig. P2.21.

Y S ”z $io

FIGURE P2.21

2.22 Show that if R, = oo and a # o0 in the current amplifier of Fig. 2.12, then Eq. (2.18)
holds.

2.23 A grounded-load current amplifier can be implemented by cascading an 7-V and a
V-I converter. Using resistances no greater than 1 M, design a current amplifier with
Ri = 0,A = 10° AJA, R, = o, and a full-scale input of 100 nA. Assuming +15-V
supplies, the voltage compliance must be at least 5 V.

2.24 Suitably modify the circuit of Fig. P2.16 so that it becomes a current amplifier with
R; = 0, A = 100 A/A, and R, = co. Assume ideal op amps.

]

ig. P2. e odd-numbered inputs are fed to OA,’s summing juncl_ion directly, and

238 :I[:eFe:se:-zmznsnlt:‘ered inputs are fed via a current reverser. leain a relulnons[up 'l;ew\'felep

v and the various inputs. What happens if any of l’he inputs is left floating? Wil n

affect the contribution from the other inputs? What is an important advantage of this
circuit compared to that of Problem 1.317

R, R
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FIGURE P2.25

2.4 Difference amplifiers
226 Derive Eq. (2.23).

227 (a) Derive Eq. (2.27). (b) Using & 100-k$2 pot, specify suitable resistances such that
varying the wiper from end to end varies the gain from 10 V/V (o 100 VIV,

‘ .
2.28 (a) Derive Eq. (2.28). (b) Specify suitable component values such that gain can be
varied from 1 V/V to 100 V/V.

229 (a) A difference amplifier has vi = 10cos2m60r V — Scos2n 10%t mV, and v; =
10cos 2760t V + Scos2m10% mV. If vo = 100cos 2r60t mV + 2cos 2w 10°1 V,
find Agm, Acmr and CMRRa. (b) Repeat (a) with v, = 10.01 cos 2z 60t V ~ 5 cos 2n
10% mV, v; = 10.00cos 2760t V + 5cos 27 10°t mV, and vy = 0.5¢cos 27601 V +
2.5cos2m10% V.

2.30 Ifthe actual resistance valuesin Fig. 2.13a are found tobe Ry = 1.01kS, Ry = 99.7kQ,
Ry = 0.995 k2, and Ry = 102 kQ, estimate Aay, Acm. and CMRRys.

231 If the difference amplifier of Fig. 2.13a has a differential-mode gai.n of 60 dB and
CMRRyp = 100dB, find vp if v; = 4.001 V and v = 3.999 V. What is the percentage
ertor of the output due to finitt CMRR?

2.32 If the resistance pairs are perfectly balanced and the op amp is i'deal in the differem?e am-
plifier of Fig. 2.13a, then we have CMRR4n = 00. But what if the open-loop gain & is

101
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102 finite, everything else being ideal? Is the CMRR still infinite? Justify your finding
CHAPTER 2 intuitively.
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Resistive
Feedback 2.5 Instrumentation amplifiers

233 Inthe 1A of Fig. 220 let Ry = | MQ, Rg = 2 kQ,and By = Ry = 100 k. If VpM 1S

an ac voltage with a peak amplitude of 10 mV and vewm is a dc voltage of 5 V, find all
node voltages in the circuit,

2.34 Show that if 04 and O4; in Fig. 2.20 have the same open-loop gain a, together they
form a negative-feedback system with input v; = vy — vy, output vy = vg, ~ voa.
open-loop gain a, and feedback factor B = Rc/(Rg + 2Ry).

2.35 A triple-op-amp IA is to be implemented with A = Ay x Ay =50x20=10° V/V.
Assuming matched input-stage op amps, find the minimum open-loop gain required of
each op amp for a 0.1% maximum deviation of A from the ideal.

@ ompared with the classical triple-op-amp IA, the IA of Fig. P2.36 (see EDN, Oct. 1,
1992, p. 115) uses fewer resistances. The wiper, nominally positioned halfway, is used
to maximize the CMRR, Show that vo,= (1 + 2R3/ R )(va — v)).

FIGURE P2.36

2.37 (a) To investigate the effect of mismatched resistances in the IA of Fig. 2.23, assume

that Ry/R; = (R,/R:}(1 — €). Show that Vo = Aamvom + Acmvem. where Ay, =

N I+ Ra/R) — €/2 and A, = €. (b) Discuss the implications of using 1% resistors
without trimming for the case A = 102 V/V.

2.38 (a) Derive Eq. (2.35). () Specify suitable components such that A can be varied over
the range 10 V/V < A < 100 V/V by means of a 10-k pot.

2.39 The gain of the duat-op-amp IA of Fig. P2.39 (see EDN, Feb. 20, 1986, pp. 241-242) is
adjustable by means of a single resistor Rg. (a) Show that vy = 2014+ R/Rg)(v—vy).

() Specify suitable components to make A variable from 10 V/V to 100 V/V by means
of a 10-kS2 pot.

14 -

OA, * 0 Vg
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R R
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FIGURE P2.39

2.40 The dual-op-amp IA of Fig. P2.40 (see Signals and Nc?ise, n?DN. May 29,1986) t?i’fercsl
) the advantage that by proper adjustment of the pot, a fairly high CMRR can be achicve
and maintained well into the kilohertz range. Show that vp = (1 + Rz/R\ ) (v — vi).

FIGURE P2.40

i hed op amps in the
i rfectly matched resistances as well as perfe.cl!y matcl ]
2 dA:::r::fmp:lA 0fy Fig. 2.23, investigate the effect 9f ﬁm.te open-loop op amp _g:mlgz
upon the CMRR of the circuit (except for their finite gain, both op amps arel (I) :IaN.
Assuming a = 105 V/V, find CMRRgp if A = 10° V/V. Repeat, but if A = ,
and comment on your findings.

2.6 Instrumentation npplicatlgn.s

2.42 Design a digitally programmable IA having an everall gain of 1 V/V, 10V/V, 100 VIV,
and 1000 V/V. Show the final design.

i i mmabie TA with two op-
.43 Assuming 15-V regulated power suppl;es, design a progra . W
: erzsting mgodes: in the first mode the gain is 100 V/V anq the output offset is 0 V; in the
second mode the gain is 200 V/V and the output offset is —5 V.

i - ig. 2.33 specify suitable compo-
. Derive Eq. (2.42). (b) In the current-output IA of Fig _ :
= ::2115 fla-::r aE:nsfi(ivi(y of 1 mA/V. (c) Investigate the effect of using 0. 1% resistances.

ircui i — Rs= Rs = 10kQ, R; = 1 k@, and R; = 9 kL. If
X he circuit of Fig. 233 let Ry = Ry = Rs . = 1k
8 :ll:lla:d::ional rcsistgance R is connected between the inverting input nodes of the two
op amps, find the gain as a function of Rg.
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2.46 (a) Design a curmrent-output 1A whose sensitivity can be varied from | mA/V to
100 mA/V by means of a 100-k2 pot. The circuit must have a voltage compliance of
at least 5V with £15-V supplies, and it must have provision for CMRR optimization
by means of a suitable trimmer. (b) Outline the procedure for calibrating the trimmer.

2.47 Design a current-input, voltage-output IA with a gain of 10 V/mA.

2.7 Transducer bridge amplifiers

2.48 Repeat Example 2.12 using the single-op-amp configuration of Fig. 2.38. Show the
final circuit.

2.49 (a) Derive Eqgs. (2.52) and (2.53). (b) Derive Eq. (2.55).

2.50 Assuming that Veer = 25 V in Fig. 2.39, specify suitable component values for an
output sensitivity of 0.1 V/°C with a Pt RTD.

251 (a) Assuming that Vger = 15 V in Fig. 2.40, specify suitable component values for an
output sensitivity of 0.1 V/°C with a Pt RTD. (b) Assuming the same tolerances as in
Example 2.13, make provisions for bridge calibration.

2.52 Show that the lincarized bridge circuit of Fig. P2.52 yields vo = —RVggrd/
(Ry + R). Name a disadvantage of this circuit.

R| R(|+5)

VREF

R, R =
FIGURE P2.52
2.53 Using the circuit of Fig. P2.52 with Vggr = 2.5 V and an additional gain stage, design

an RTD amplifier circuit with a sensitivity of 0.1 V/°C. The circuit is to have provisions
for bridge calibration. Qutline the calibration procedure.

@ ow that the linearized bridge circuit" of Fig. P2.54 (U.S. Patent 4,229,692) yields
o-= RyVrerd/ R|. Discuss how you would make provisions for calibrating the circuit.

FIGURE P2.54

1.
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A filter is acircuit that processes signals on a frequency-dependent basis. The manner
in which its behavior varies with frequency is called the frequency response and is
expressed in terms of the transfer function H(jw), where w = 2n f is the angular
frequency, in radians per second (rad/s), and j is the imaginary unit j% = —1). This
response is further specialized as the magnitude response |H (jw)| and the phase
response < H (jw), giving, respectively, the gain and phase shift experienced by an
ac signal in going through the filter.

Common Frequency Responses

On the basis of magnitude response, filters are classified as low-pass, high-pass,
band-pass, and band-reject (or notch) filters. A fifth category is provided by all-pass
filters, which process phase but leave magnitude constant. With reference to Fig. 3.1,
we ideally define these responses as follows.

The low-pass response is characterized by a frequency wc, called the cutoff
Jrequency, such that |[H| = 1 for w < w¢ and | H| = 0 for w > w,, indicating that input
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FIGURE 3.1

Idealized filter responses: (a) low-pass, (b) high-pass, {c} band-pass,
(d) band-reject, and (e), ( f) all-pass.

signals with frequency less than e, go through the filter with unchanged amplitude,
while signals with @ > w, undergo complete attentuation. A common low-pass filter
application is the removal of high-frequency noise from a signal. ) .

The high-pass response is complementary to the low-pass response. Signals with
frequency greater than the cutoff frequency w. emerge from the filter unattenuated,
and signals with w < w, are completely blocked out.

The band-pass response is characterized by a frequency band wi <w <y,
called the passband, such that input signals within this band emerge unattem!ated,
while signals with @ < wy, or w > wy are cut off. A familiar band-pass ﬁlle:r is the
tuning circuitry of a radio, which allows the user to select a particular station and
block out all others. ‘

The band-reject response is complementary to the band-pass response becaus_e it
blocks out frequency components within the stopband wi <w < ®H, Wh:lle passing
all the others. When the stopband is sufficiently narrow, the response 18 called a
notch response. An application of notch filters is the elimination of unwanted 60-Hz
pickup in medical equipment.

The all-pass response is characterized by |H| = | regardless of frequenf:y. and
LH = —tgw, where Iy is a suitable proportionality constant, in seconds. This ﬁltf(f
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FIGURE 3.2
Effect of filtering in the frequency domain (feft) and in the time domain
(right).

passes an ac signal without affecting its amplitude, but it delays it in proportion to its
frequency . For obvious reasons, all-pass filters are also called delay filters. Delay
equalizers and wideband 90° phase-shift networks are examples of all-pass filters.

Figure 3.2 illustrates the effects of the first four ideal filter types using the input
voltage

v(t) = 0.8 sinwgt + 0.5 sind4wgr + 0.2 sin 16wys V

as an example. Shown at the left are the spectra that we would observe with a
spectrum analyzer; shown at the right are the waveforms that we would observe
with an oscilloscope. The spectrum and waveform at the top pertain to the input
signal, and those below pertain, respectively, to the low-pass, high-pass, band-pass,
and band-reject outputs. For instance, if we send v (r) through a low-pass filter with
w; somewhere between 4ay and 16wy, the first two components are multiplied by
1 and thus passed, but the third component is multiplied by 0 and is thus blocked:
the result is v o (1) = 0.8 sin wyr + 0.5 sindwg? V.

As we proceed we shall see that the practical filters provide only approximations
to the idealized brick-wall magnitudes shown in the figure and also that they affect

phase.

Active Filters

Filter theory is a vast discipline, and it is documented in a number of textbooks ded-
icated only to it.)=# Filters can be built solely from resistors, inductors and capacitors
(RLC filters), which are passive components. However, after the emergence of the
feedback concept, it was realized that incorporating an amplifier in a filter circuit
made it possible to achieve virtually any response, but without the use of inductors.
This is a great advantage because inductors are the least ideal among the basic circuit
elements, and are also bulky, heavy, and expensive—they do not lend themselves to
IC-type mass production.

How amplifiers manage to displace inductors is an intriguing issue that we shal
address. Here, we intuitively justify how by noting that an amplifier can take energy
from its power supplies and inject it into the surrounding circuitry to make up for
energy losses in the resistors. Inductors and capacitors are nondissipative elements
that can store energy during part of a cycle and release it during the rest of the cycle.
An amplifier, backed by its power supply, can do the same and more because, unlike
inductors and capacitors, it can be made to release more energy than is actually
absorbed by the resistors. Amplifiers are said to be active elements because of this,
and filters incorporating amplifiers are called active filters. These filters provide one
of the most fertile areas of application for op amps.

An active filter will work properly only to the extent that the op amp will. The
most serious op amp limitation is the open-loop gain rolloff with frequency, an
issue addressed at length in Chapter 6. This limitation generally restricts active-filter
applications below the megahertz range. This includes the audio and instrumentation
ranges, where op amp filters find their widest application and where inductors would
be too bulky to compete with the miniaturization available with ICs. Beyond the
frequency reach of op amps, inductors take over again, so high-frequency filters are
still implemented with passive RLC cumponents. In these filters, inductor sizes and
weights are more manageable as inductance and capacitance values decrease with
the operating frequency range. ;

In the present chapter we study first-order and second-order active filters. Higher-
order filters are covered in Chapter 4, along with switched-capacitor filters.

31
THE TRANSFER FUNCTION

Filters are implemented with devices exhibiting frequency-dependent characteris-
tics, such as capacitors and inductors. When subjected to ac signals, these elements
oppose current fiow in a frequency-dependent manner and also introduce a 90° phase
§hift between voltage and current. To account for this behavior, we use the complex
tmpedances Zy, = sL and Z¢ = 1/sC, where s = g + jw is the complex frequency,
In complex nepers per second (complex Np/s). Here, o is the Neper frequency, in
?;l;ﬂ; per second (Np/s) and w is the angular frequency, in radians per second

s).

The behavior of a circuit is uniquely characterized by its transfer function H (s).
To find this function, we first derive an expression for the output X, in terms of
the input X; (X, and X i can be voltages or currents) using familiar tools such as
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Ohm’s law V = Z(s)!, KVL, KCL, the voltage and current divider formulas, and
the superposition principle. Then, we solve for the ratio

Once H (s) is known, the response x,{(f) to a given input x; (1) can be found as
(1) = L7 H($5) X(9)) (32

where £~ ! denotes the inverse Laplace transform, and X; (s) is the Laplace transform
of x;(¢t).
Transfer functions turn out to be rational functions of s,

N(s) _ ams™ +a,,,j|_r”"l +-+ais+ag

H(s) = =
“ D(s) b,,s"+b,,,|s"_t+-~-+b|s+b0

(33)

where N(s) and D(s) are suitable polynomials of s with real coefficients and
with degrees m and n. The degree of the denominator determines the order of
the filter (first-order, second-order, etc.). The roots of the equations N(s) =0 and
D(s) = 0 are called, respectively, the zeros and the poles of H (s), and are denoted
a$21,22,...,Zm.and py, p2, ..., pn. Factoring out N (s) and D(s) in terms of their
respective roots, we can write

C—a)s—22)- (5 —zm)
H(s) = H, 3.4
© = o G < = pw) 64

where Hy = am /by is called the scaling factor. Aside from Hp, H(s) is uniquely
determined once its zeros and poles are known. Roots are also referred to as critical
or characteristic frequencies because they depend solely on the circuit, that is, on its
elements and the way they are interconnected, irrespective of its signals or the energy
stored in its reactive elements. In fact, essential circuit specifications are often given
in terms of the roots.

Roots can be real or complex. When zeros or poles are complex, they occur in
conjugate pairs. For instance, if py = o + jwy is a pole, then p; = oy — jawy is also
apole. Roots are conveniently visualized as points in the complex plane, or s plane: gy,
is plotted against the horizontal, or real, axis, which is calibrated in nepers per second
(Np/s); wy is plotted against the vertical, or imaginary, axis, which is calibrated in
radians per second (rad/s). In these plots a zero is represented as “0” and a pole
as “x". Just by looking at the pole-zero pattern of a circuit, a designer can predict
important characteristics, such as stability and frequency response. Because these
characteristics will arise frequently as we proceed, we wish to give them a definitive
review.
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FIGURE 3.3
Circuit of Example 3.1 and its pole-zero plot.

EXAMPLE 3.1. Find the pole-zero plot of the circuit of Fig. 3.3a.

Solution. Using the generalized voltage divider formula, ¥, = [R/(sL+1/sC+R)Vi.
Rearranging,

RCs s
T LCs 4+ RCs + 1 st + (R/L)s + 1/LC
Substituting the given component values and factoring out,

5

[s — (=14 j)18] x [s — (-1 = j2)10°]
This function has Ho = 2 x 10° V/V, a zero at the origin, and a conjugate pole pair at
—1 % j2 complex kNp/s. Its pole-zero plot is shown in Fig 3.3b.

H L R
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H()=2x 16" x

H(s) and Stability

A circuitis said to be stable if it produces a bounded output in response to any bounded
input. One way to assess whether a circuit is stable or not is to injv:act some energy
into one or more of its reactive elements and then observe how the Cll'Cl.l.lt does on ts
own, in the absence of any applied sources. The circuit response is in.thns case ca'lled
the source-free, or natural, response. A convenient metl_lod of injecting energy 1s (o
apply an impulsive input, whose Laplace transform is unity. By Eq..(3.2). the ensuing
tesponse, or impulse response, is then h(t) = SB'_"_{ H(s)}. [ntcres!mgly enough, this
response is determined by the poles. We identify two representative cases:

1. H(s) has a real pole at s = o3 £ jO = oy. Using well-known Laplace-uansfor{n
lec!‘miques,5 one can prove that H (s) contains the term Ag/(s — ay), where A is
called the residue of H(s) at that pole, and is found as Ax = (5 — ok YH (8)s=a,-
From the Laplace-transform tables we find

¢! {ﬁ—} = Age™ult) (3.5)
s — 0y

where u(?) is the unit step function (u = 0 forf <0, u4 = 1'fort > 0_). A real pole
contributes an exponential component to the response x,(1), and this component
decays if op <0, remains constant if o = 0, and diverges if o¢ > 0.



2. H(s) has a complex pole pair at s = o & jwy. In this case H(s) contains the
complex term Ay /[s — (o + jwi)] as well as its conjugate, and the residue is
found as Ay = [s — (o + j@p) H (5)|s=0, + juw,- The inverse Laplace transform
of their combination is
¢ { Ax Aj

s—(ox + joy) 5 —(of — jox)

} = 2| Ag|e® u(t) cos {wit + $A;)

(3.6)
This component represents a damped sinusoid if a3 <0, a constant-amplitude,
or sustained, sinusoid if o = 0, and a growing sinusoid if gy > 0.

It is apparent that for a circuit to be stable, all poles must lie in the left half of
the s plane (LHP), where o <. Passive RLC circuits, such as that of Example 3.1,
meet this constraint and are thus stable. However, if a circuit contains dependent
sources such as op amps, its poles 1. ;' imo the right half-plane and thus lead to
instability. Its output will grow until the saturation limits of the op amp are reached.
If the circuit has a complex pole pair, the outcome of this is a sustained oscilla-
tion. Instability is generally undesirable, and stabilization techniques are covered
in Chapter 8. There are nevertheless situations in which instability is exploited on
purpose. A common example is the design of sine wave oscillators, to be addressed
in Chapter 10.

EXAMPLE 3.2. Find the impulse response of the circuit of Example 3.1.

Solution, We have Ay = [s — (=1 + j2IO S H ()14 )00 = 1000 + j500 =
500+/3/26.57°. S0, vo(t) = 10°/5e "% 1u(s) cos(2 x 10°1 + 26.57°) V.

H(s) and the Frequency Response

In the study of filters we are interested in the response to an ac input of the type
xi(t) = Xim cos{owt + 6;)

where X;,, is the amplitude, w the angular frequency, and 6; the phase angle. In
general, the complete response x,(¢) of Eq. (3.2) consists of two components,5
namely, a transient component functionally similar to the natural response, and a
steady-state component having the same frequency as the input, but differing in
amplitude and phase. If all poles are in the LHP, the transient component will die
out, leaving only the steady-state component,

xp(1) = Xom cos(wt + 6,)

This is illustrated in Fig. 3.4. Since we are narrowing our scope to this component
alone, we wonder whether we can simplify our math, bypassing the general Laplace
approach of Eq. (3.2). Such a simplification is possible, and it merely requires that we
compute H (s} on the imaginary axis. We do this by letting s — jw (ors — j2nf
when working with the cyclical frequency £, in hertz.) Then, the output parameters
are found as

Xom = |H(jw)| x Xim (3.7a)
8, =<H(jw)+ 6 (3.7b)

——— Y

xd0)

— O

/

—————

8 *al0)

FIGURE 3.4
In general, a filter affects both amplitude and phase.

In the course of complex-number manipulations, we shall often use the following
important properties: Let
H=|H|/[{H = H, + jH; (3.8)

where | H| is the modulus or magnitude of H, <H its argument or phase angle, and
H, and H; the real and imaginary parts. Then,

[H| = \/H? + H} (3.90)

XH =tan~Y(H;/H,) ifH, >0 (3.9b)
4H = 180° —tan" ' (H;/H,)  if H, <0 (3.9¢)
|Hy x Hy| = |H| x |Ha| (3.10a)

E(H, x Hy) = <H, + <Hy (3.10b)
|Hi/H| = |H| — | Hal (3.11a)
L(Hi/Hy) = <H) — 4H, (3.11b)

EXAMPLE 33 Find the steady-state response of the circuit of Example 3.1 to the signal
vi(r) = 10cos(10°t + 45°) V.

Solution. Letting s — j10° rad/s in Example 3.1 we get H(f10%) = jI/Q2 + /1) =
9&/5)/[63.4? VIV. S0 Vom = 10/+/5V, 6, = 63.43° + 45° = 108.43°, and v,{¢) =
20cos(10% + 108.43°) V.

There are various viewpoints we can take in regard to H(jw). Presented with
the circuit diagram of a filter, we may wish to find H(s) analytically, and then plot
|H (jw)| and LH (jw) versus w (or f} for a visual display of the frequency response.
These plots, referred to as Bode plots, can be generated by hand or via PSpice.

Conversely, given H(jw), we may want to let jw — s to obtain H(s), find its
roots, and construct the pole-zero plot.
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Alternatively, H( jw) may be given to us, either analytically or in graphical form
or in terms of filter specifications, and we may be asked to design a circuit realizing
this function. The idealized brick-wall responses of Fig. 3.1 cannot be achieved in
practice but can be approximated via rational functions of 5. The degree n of D(s)
determines the order of the filter (first-order, second-order, etc.). Asa general rule, the
higher n, the greater the flexibility in the choice of the polynomial coefficients best
suited to a given frequency-response profile. However, circuit complexity increases
with #, indicating a trade-off between how close to ideal we want to be and the price
we are willing to pay.

Another viewpoint yet is one in which a filter is given to us in black-box form and
we are asked to find H(jw) experimentally. By Eq. (3.7), the magnitude and phase
are |H(jw)| = Xom/ Xim and <H (jw) = 6, — 6;. To find H (jw) experimentally,
we apply an ac input and measure the amplitude and phase of the output relative to the
input at different frequencies. We then plot measured data versus frequency point-
by-point and obtain the experimental profiles of |H (jw)| and <H (jw). If desired,
measured data can be processed with suitable curve-fitting algorithms to obtain an
analytical expression for H (jw) in terms of its critical frequencies. In the case of
voltage signals, the measurements are easily done with a dual-trace oscilloscope. To
simplify the calculations, it is convenient to set V;, = 1 V, and to adjust the trigger
so that 8; = 0. Then we have |H(jw)| = Vo and <H (jw) = 6,.

Bode Plots

The magnitude and frequency range of a filter can be quite wide. For instance, in
audio filters the frequency range is typically from 20 Hz to 20 kHz, which rep-
resents a 1000:1 range. In order to visualize small as well as large details with
the same degree of clarity, |H| and XH are plotted on logarithmic and semiloga-
rithmic scales, respectively. That is, frequency intervals are expressed in decades
(....0.01,0.1,1,10,100,...) or in octaves (..., §. 3. 5.1,2,4.8,...), and |H|
is expressed in decibels (dB) as

|Hlgp = 20l0g | H| (3.12)

The Bode plots are plots of decibels and degrees versus decades (or octaves). Another
advantage of these plots is that the following useful properties hold:

|Hy x Hylgp = |H\lag + | H2|4B (3.13a)
|H\|/H;|gs = |H}|ag — |H2ldB (3.13b)
11/H\lgp = —|HlaB 3.13¢)

To speed up the hand generation of these plots, it is often convenient to effect
asymptotic approximations. To this end, the following properties are useful:

H=H, if |H.| > \H;l (3.14a)
H=jH;  if|H|> |H| (3.14b)
Keep Eqs. (3.13) and (3.14) in mind because we shall use them frequently.

32
FIRST-ORDER ACTIVE FILTERS

The simplest active filters are obtained from the basic op amp configurations by using
a capacitance as one of its external components. Since Z¢ = 1/sC = 1/jwC, the
result is a gain with frequency-dependent magnitude and phase. As you study filters,
it is important that you try justifying your mathematical findings using physical
insight. In this respect, a most valuable tool is asymptolic verification, which is
based on the following properties:

lim Z¢c =00 (3.15a)
w—0
Jim Zc=0 (3.15b)

In words, at low frequencies a capacitance tends to behave as an open “circuit com-
pared with the surrounding elements, and at high frequencies it tends to behave as a
short circuit.

The Differentiator

In the inverting configuration of Fig. 3.5 we have V, = (—R/Z¢)V; = —RCsV,.
By a well-known Laplace-transform property, multiplication by s in the frequency
domain is equivalent to differentiation in the time domain. This confirms the desig-
nation differentiator for the circuit. Solving for the ratio V,/ V; gives

H(s) = —RCs ) (3.16)

indicating a zero at the origin.
. Letting s — jw and introducing the scaling frequency

1

= e 3.17
= kc
we can express H (j) in the normalized form
H(jw) = —jo/wy = (w/wp) { — 90° (3.18)
14 (@B)
¢ K 20 dB/dec
20+ /
V'5 0 4 +— 2 (dec)
= v AT 0
" oot
(a) by .
FIGURE 3.5

The differentiator and its magnitude Bode plot.
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Considering that |[H|gp = 20log)o(w/wg), the plot of |H|gp versus logg(w/ay)
is a straight line of the type y = 20x. As shown in Fig. 3.5b, its slope is 20 dB/dec,
indicating that for every decade increase (or decrease) in frequency, magnitude
increases (or decreases) by 20dB. Equation (3.18) indicates that the circuit introduces
a 90° phase lag, and amplifies in proportion to frequency. Physically, we observe
that at low frequencies, where |Z¢| > R, the circuit provides attenuation (negative
decibels); at high frequencies, where |Z¢| < R, it provides magnification {positive
decibels); at w = wy, where |Z¢| = R, it provides unity gain (0 db). Consequently,
wy is called the unity-gain frequency.

Integrators

Also called Miller integrator because the capacitor is in the feedback path, the circuit
of Fig. 3.6a gives V, = (—-Z¢/R)V; = —(l/RCs)V, The fact that division by s
in the frequency domain corresponds to integration in the time domain conﬁrms the
designation integrator. Its transfer function

1
H)=——— .
(5} = —2= (3.19
has a pole at the origin. Letting s — jw, we can write
1
H{jw) = = ——[ 3.20
g Cjwejey  wfog (3.20)

where wp = ] /RC, as in Eq. (3.17). Observing that the transfer function is the
reciprocal of that of the differentiator, we can apply Eq. (3.13¢) and construct the
integrator magnitude plot simply by reflecting that of the differentiator about the 0-dB
axis. The result, shown in Fig. 3.65, is a straight line with a slope of —20 dB/dec and
with g as the unity-gain frequency. Moreover, the circuit introduces a 90° phase
lead.

Because of the extremely high gain at low frequencies, where |Z¢| > R, a
practical integrator circuit is seldom used alone as it tends to saturate. As mentioned
in Chapter 1, an integrator is usually placed inside a control loop designed to keep the
op amp within the linear region. We shall see examples when studying state-variable
and biquad filters in Section 3.7, and sine wave oscillators in Section 10.1.

- |#] (dB)
R ¢ -20 dB/dec
20+
v, o
0 } " B (dec)
v, 01 1\ 10
_20 -
(@) ®
FIGURE 3.6

The integrator and its magnitude Bode plot.

FIGURE 3.7
Neninverting, or Deboo, integrator.

Due to the negative sign in Eq. (3.19), the Miller integrator is also said to be
an inverting integrator. The circuit of Fig. 3.7, called the Deboo integrator, for
its inventor, uses a Howland current pump with a capacitance as load to achieve
noninverting integration. As we know, the pump forces a current I = V; /R into the
capacitance, resulting in a noninverting-input voltage V, = (1/52C)! = V;/2sRC.
The op amp then amplifies this voltage to give V, = (1 + R/R)Vp = V;/sRC, so

1
H(s) = RCs (3.21)
The magnitude plot is the same as for the inverting integrator. However, the phase
angle is now —90°, rather than +90°,

It is instructive to investigate the circuit from the more general viewpoint of
Fig. 3.8a, where we identify two blocks: the RC network shown at the bottom, and
the rest of the circuit forming a negative resistance converter. The convester provides
a variable resistance —R(R/kR) = —R/k, k > 0, so the net resistance seen by C
is R|| (=R/k) = R/(1 — k), indicating the pole

3.22)

s plane

1 k>1

—_—
3
®

(@) (b)

FIGURE 3.8
Varying k varies pole location.
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FIGURE 3.1}

RIAA playback equalization curve and phono preamplifier.

that the listener can effect to compensate for nonideal loudspeaker response, to match
apparent room acoustics, or simply to suit one’s taste.

Phono Preamplifier

The function of a phono preamplifier is to provide amplification as well as ampli-
tude equalization for the signal from a moving-magnet or a moving-coil cartridge.
The response must conform to the standard RIAA (Record Industry Association of
America) curve of Fig. 3.13a.

Preamplifier gains are usually specified at 1 kHz. The required amount of gain
is typically 30 to 40 dB for moving-magnet cartridges, and 50 to 60 dB for moving-
coil types. Since the RIAA curve is normalized for unity gain, the actual preamp
response will be shifted upward by an amount equal to its gain.

Figure 3.135 shows one’ of several topologies commonly used to approximate
the RIAA response. The input-shunting network provides impedance matching for
the source, while C, provides a low-frequency breakpoint (usually below 20 Hz) to
block out dc and any subaudio frequency components. Since |Zc,| < Ry over
the frequency range of interest, the transfer function can be foundas H = 1 +
Zy/Ry, where Zy is the impedance of the feedback network. The result is (see
Problem 3.17)

Ry+ R3 14+jflh
Ry (L +jf1 X1 +jf/f3)

! 1 1
= 22 (R2 | R3)(C2 + C3) S = 5 ReCy h=5rG

As long as the circuit is configured for substantially high gain, the unity term in
Eq. (3.32) can be ignored, indicating that H(jf) approximates the standard RIAA
curve over the audio range.

(3.32)

H(GH =14

h (3.33)

EXAMPLE 36. Design a 40-dB gain, RIAA phono amplifier.

Solution. The RIAA curve must be shifted upward by 40 dB, so the gain below f2
must be 40 4 20 = 60 dB = 10° V/V. Thus, (R; + R1)/R, = 10°. The expressions for
fi through fy provide three equations in four unknowns. Fix one, say, let C; = 10 nF.
Then, Eq. (3.33) gives R; = 1/{2m x 50 x 10 x 107°) = 318 k2 (use 316 kS2). We
also have 1/Ry + 1/R; = 27 fi(C2 4+ C3) and 1/ Ry = 2n f;C5. Eliminating 1/R; gives
C3 = 2.77 nF (use 2.7 nF). Back substituting gives R; = 27.7 k§2 (use 28.0kQ2). Finally,
R, = (316 + 28)/10° = 344 Q (use 340 ©2) and C, = {/(2n x 340 x 20) = 23 uF
(use 33 uF). Summarizing, R = 340 @, R; = 316kQ, Ry = 28.0k2, Cy, = 33 uF,
C, = 10nF, and C; = 2.7 nF.

Tape Preamplifier .
A tape preamplifier must provide gain as well as amplitude and phase equalizations,
for the signal from a tape head. The response is governed by the standard NAB
(National Association of Broadcasters) curve of Fig. 3.14a. A circuit’ to approx-
imate this response is shown in Fig. 3.14b. As long as | Z¢,| « R, we have (see
Problem 3.18)

. Ryl +jf/h
H 214 ——F— (3.34)

Ry 1+jf/f

1 1

=50 T mErrG

(3.35)

Active Tone Control

The most common form of tone control is bass and treble control, which allows the
independent adjustment of gain over the lower (bass) and higher (treble) portions

Gain (dB)

w -
i fy=3183Hz
|

0k : f2 =50 Hz
I
!
1
|

20+ '
| '
| )
| 1
| f3 1
iy L 1 \ G

0 13 T f{Hz) I
i 100 1k ' 10k 1
b h

(@) )]
FIGURE 2.14

NAB equalization curve and tape preamplifier.
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FIGURE 3.15
Bass and treble control.

(b)

of the audio range. Figure 3.15 shows one of several circuits in common use and
illustrates the effect of tone control on the frequency response.

At the low end of the audio range, or f < f3g, the capacitors act as open circuits,
50 the only effective feedback consists of Ry and R;. The op amp acts as an inverting
amplifier whose gain magnitude A g is variable over the range

- R SABSRI+R2
Ri+ Ry Ry

by means of the bass pot. The upper limit is referred to as maximum boost, the
lower limit as maximum cut. For instance, with Ry = 11 k2 and Ry = 100 k€2, these
limits are £20 dB. Setting the wiper in the middle gives Ag =0 dB, or a flat bass
response.

As frequency is increased, C| gradually bypasses the effect of R; until the
latter is eventually shorted out and has no effect on the response. The frequency
fp at which C; begins 10 be effective in the case of maximum bass boost or cut is
approximalely

(3.36a)

I

Above this frequency the response approaches the flat curve with a slope of about
=6 dB/oct, depending on whether the pot is set for maximum cut or boost.

At the high end of the audio range, or f > fr, the capacitors act as short circuits,
so the gain is now controlled by the treble pot. (The bass pot is ineffectual since it is
being shorted out by Cy.) It can be proven that if the condition R4 3> (R} + R1+2Rs)
is met, the range of variability of the treble gain Ay is

R3 SAT5R1+R3+2RS
R+ R3+2R5 R3
and the frequency fr below which the treble control gradually ceases to affect the
response is approximately

(3.37a)

= 37
2n R3Cy (3.375)

fr

EXAMPLE 37. Design a bassf/treble control with fs = 30 Hz, fr = 10 kHz, and
420 dB maximum boost/cut at both ends.

Solution. Since 20 dB corresponds to 10 V/V, we must have (R) + R2)/R; = 10 and
(Ry + R3+2Rs)/Ry=10. Let Ry be a 100-k$2 pot so that R, =11 k2. Arbitrarily
impose Rs = R; = 11 kQ. Then Ry = 3.67 kQ (use 3.6 kQ). To meet the condition
Ra > (R4 R3+2Rs) = 37kQ, let Rybe a500-kQ pot. ThenCy = 1/2x R, fg = 53 nF
(use 51 nF), and C; = 1/27 Ry fr = 4.4 nF (use 5.1 nF). Summarizing, R, = 11 k2,
R; =100k, Ry = 3.6kQ, Ry =500k, Rs = 11kQ,C; =51 nF,and C; = 5.t nF.

Graphic Equalizers

The function of a graphic equalizer is to provide boost and cut control not just at the
bass and treble extremes, but also within intermediate frequency bands. Equalizers
are implemented with arrays of narrow-band filters whose individual responses are
adjusted by vertical slide pots arranged'side by side to provide a graphic visualization
of the equalized response (hence the name).

Figure 3.16 shows a familiar realization of one of the equalizer sections. The
circuit is designed so that over a specified frequency band, C| acts as an open circuit

Gain (dB)

(@) b

FIGURE 3.16
Section of a graphic equalizer.
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The natural response is then
vo(t) = vo0)e {1 -H/RC (g (3.23)

We identify three important cases: (a) For k < 1, positive resistance prevails, indi-
cating a negative pole and an exponentially decaying response. The decay is due
to dissipation of the energy stored in the capacitance by the nel resistance. (b) For
k = 1, the energy supplied by the negative resistance batances the energy dissipated
by the positive resistance, yielding a constant response. The net resistance is now
infinite, and the pole is right at the origin. (¢) For k > 1, the negative resistance sup-
plies more energy than the positive resistance can dissipate, causing an exponential
buildup. Negative resistance prevails, the pole is now in the right half plane, and the
response diverges. Figure 3.8b shows the root locus as k is increased.

Low-Pass Filter with Gain

Placing a resistor in parallel with the feedback capacitor, as in Fig. 3.9a, turns the
integrator into a jow-pass filter with gain. Letting 1/Z3 = 1/Ry + }/(1/sC) =
(R2Cs + 1)/ Ry gives H(s) = —Z/ Ry, o1

R, 1

Ry R2Cs + 1

indicating areal pole at s = —1/RC. Letting s — jw, we can express H(s) in the
normalized form

H(s) = — (3.24)

1
H(jw) = Hy—— 3.25a
w) = Ho; ¥ jojon ( )
Ry _ 1

R TR
Physically, the circuit works as follows. At sufficiently low frequencies, where
1Z¢c| > Rz, we can ignore Z¢ compared with R; and thus regard the circuit as an
inverting amplifier with gain /# = — R/ R} = Hy. For obvious reasons, H is called
the dc gain. As shown in Fig. 3.9b, the low-frequency asymptote of the magnitude

Bode plot is a horizontal line positicned at | Hylgg.

(3.25b)

Ry IH| (dB)
W
R, c
S |,

| -
v. No dB/dec
|
3
L —o0 V, 0 1 o (dec)
L21] w\

) (b}

FIGURE 3.9
Low-pass filter with gain.

Atsufficiently high frequencies, where |Z¢| « Ra, we canignore Rz compared
with Z¢ and thus regard the circuit as an integrator. As we know, its high-frequency
asymptote is a line with a slope of —20 dB/dec and passing through the unity-gain
frequency w = 1/ R C. Since the circuit approximates integrator behavior over only
a limited frequency range, it is also called a lossy integrator.

The borderline between amplifier and integrator behavior occurs at the fre-
quency that makes |Z¢|= Ry, or 1/wC = R;. Clearly, this is the frequency wp of
Eq. (3.25b). For w/wy =1, Eq. (3.23a) predicts |H|=|Ho/(1 + j1)| = |Hol/v/2,
or, equivalently, | Hlag = |Holegs — 3 dB. Hence, wy is called the —3-dB frequency.

The magnitude profile indicates that this is a low-pass filter with Hy as dc gain
and with wy as cutoff frequency. Signals with @ < wy are passed with gain close to
Hp, but signals with > wy are progressively attenuated, or cut. For every decade
increase in w, |H| decreases by 20 dB. Clearly, this is only a crude approximation
to the brick-wall profile of Fig. 3.1b.

-

EXAMPLE 34. {a) In the circuit of Fig. 3.9a, specify suitable components to achieve
a —3-dB frequency of | kHz with a dc gain of 20 dB and an input resistance of at least
10 k2. (b) At what frequency does gain drop to 0 dB? What is the phase there?

Solution.

(a) Since 20 dB corresponds to 102 =10 V/V, we need R, = 10R,. To ensure
R; > 10k, try R, =20k. Then, R; =200k, and C=1/wgR2 = 1/(2m x
10° x 200 x 10°) = 0.796 nF. Use C = 1 nF. which is a more readily available
value. Then, scale the resistances as Ry =200 x 0.796 = 158 kQ2and R, = 15.8 k{2,
both 1%.

(b) Imposing |H|=10//12 + (f/10°)? =1 and solving yields f = 100102 -1 =
9.950 kHz. Moreover, <H = 180° — tan™' 9950/10° = 95.7°,

High-Pass Filter with Gain

Placing a capacitor in series with the input resistor as in Fig. 3.10a tumns the differen-
tiator into a high-pass filter with gain. Letting Z; = Ry + 1/5C = (R Cs + 1)/sC
and H(s) = —R2/Z) gives

R; R(Cs

- (3.26)
R RiICs + |

H(s) =

|H](dB)

[Hy| f ===~~~ |
Vi 20 dB/dec |
[}

= —O Vn ! {D(deﬂ)

(a) (L]

FIGURE 3.10
High-pass filter with gain.
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indicating a zero at the origin and a real pole at s = —1/R;C. Letting s — jo, we
can express H(s) in the normalized form

H(jw) = Hg-—22l®0 (3.27a)
I+ jow/wy
R 1
Hy=—=" = — 3.27b
R, “W=pT ( )
where Hy is called the high-frequency gain and wy is again the —3-dB frequency. As
shown in Fig. 3.10b, which you are encouraged to justify asymptotically, the circuit
is a high-pass filter.

Wideband Band-Pass Filter

The last two circuits can be merged as in Fig. 3.11a to give a band-pass response.
Letting Zy = (R, C) 5 +1)/Cysand Zy = Ry /(RyCas + 1), weget H(s) =—Z3/ Z),
or
Ry R\Cys |
H(s) = —— 3.28
O = R RiCis + I RaCos # 1 (3.28)
indicating a zero at the origin and tworeal poles at —1/R,C} and —1/R3C,. Though
thisis a second-order filter, we have chosen to discuss it here to demonstrate the use of
lower-ordér building blocks to synthetize higher-order filters. Letting s — jow yields

jwfog

H(jw) = H 3.29

Ue) = B /o) + Jwjom) (3-29a)

Hy = —5-2- wp = ! wWH = -—l— (3.29b)
0=k, L= R =R, :

where Hy is called the midfrequency gain. The filter is useful with &; < wy, in
which case w) and wy are called the low and high —3-dB frequencies. This circuit
is used especially in audio applications, where it is desired to amplify signals within
the audio range while blocking out subaudio components, such as dc, as well as
noise above the audio range.

N R, |H](dB)
R G G
F———t—4 Il
y TN
i |
= —o ¥, ! !
4 [ 0 1 i
I oy 0y N @ (dec)
(a) b)
FIGURE 3.11

Wideband band-pass filter.
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FIGURE 3.12
Phase shifter.

EXAMPLE 35. In the circuit of Fig. 3.11a specify suitable component values for a
band-pass response with a gain of 20 dB over the audio range.

Solution. Foragainof20dBweneed R; /R, = 10. Try Ry = 10kQ2and K, = 100 k2.
Then, forwy = 2 x 20 rad/s we need C; = 1 /(2 x 20 x 10 x 10%) = 0.7958 uF. Use
1 1F, and rescale the resistances as R} = 10* x 0.7958 = 7.87 kSt and R, = 78.7 k2.
For wy = 27 x 20 krad/s, use C; = 1/(2n x 20 x 10° x 78.7 x 10%) =100 pF.

Phase Shifters

In Fig. 3.12a the noninverting-input voltage V, is related to V; by the low-pass
functionas Vp = V;/(RCs +1). Moreover, Vo = —(R2/R)Vi +(1+ Ry /R)Vp =
2V, — V;. Eliminating V), yields

—RCs +1

indicating a zero at s = 1/RC and a pole at s = —1/RC. Leiting s - jw yields

. l—jejwy -1
H(;w)__——lﬂw/m_lg 2tan~! (w/wp) (331

With a gain of 1 V/V, this circuit passes all signals without altering their amplitude.
However, as shown in Fig. 3.12b, it introduces a variable phase lag from from 0° to
—180°, with a value of —90° at @ = wyp. Can you justify using physical insight?

33
AUDIO FILTER APPLICATIONS

Audio signal processing provides a muititude of uses for active filters. Common
functions required in high-quality audio systems are equalized preamplifiers, active
tone control, and graphic equalizers.% Equalized preamplifiers are used to compen-
sate for the varying levels at which different parts of the audio spectrum are recorded
commercially. Tone control and graphic equalization refer to response adjustments
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FIGURE 3.17
Graphic equalizer with n bands.

while C; acts as a short, thus allowing for boost or cut control, depending on whether
the wiper position is to the left or to the right, respectively. Outside the band the
circuit provides unity gain, regardless of the wiper position. This stems from the
fact that C; acts as an open circuit at low frequencies, and C| acts as a short at high

frequencies. The result is a flat response, but with a peak or a dip over the specified
band. '

It can be proven? that if the component values are chosen so that
Ry > Ry R3 = 10R; Cy = 10C; 3.3%)
then the center of the band is
fo= VZF /R
0= T20n Ry,
and the gain magnitude Ag at this frequency is variable over the range
{
3R 5A0<3R1+R2
3R+ Ry - 3R
An n-band equalizer is implemented by paralleling nisections and summing the
individual outputs with the input ina 1:(n — 1) ratio. This is done with an ordinary
summing amplifier, as in Fig. 3.17. Common choices for the resistances of each
section are R) =10k, Ry =100k, and R3 = | M. The capacitances are cal-

culated wsing Egs. (3.38) and (3.39q). An equalizer having one section for each
octave of the audio spectrum is aptly called an octave equalizer

(3.39a)

(3.395)
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STANDARD SECOND-ORDER RESPONSES

Second-order filters are important in their own right and are building blocks of
higher-order filters as well, so we investigate their responses in detail before tumning
to actual circuits.

Looking back at the low-pass, high-pass, and all-pass responses of Section
3.2, we abserve that they have the same denominator D(jw) =1+ jw/wy and that
it is the numerator N (jw) that determines the type of response. With N (jew) =1
we get the low-pass, with N (jw) = jw/wy the high-pass, and with N(jw)=1—

jw/wp = D(jw) the all-pass response. Moreover, the presence of a scaling factor
Hp does not change the response type; it only shifts its magnitude plot up or down,
depending on whether |Hpl > 1 or | Hg| < 1. .

Similar considerations hold for second-order responses. However, since the
degree of the denominator is now 2, we have an additional filter parameter besides
wy. All second-order functions can be put in the standard form

N(s)
(s/w0)? + 2¢(s/wp) + 1

where N(s) is a polynomial in 5 of degree m < 2; ey is called the undamped natural
frequency, in radians per second; and ¢ (zeta) is a dimensicnless parameter called
the damping ratio. This function has two poles, pj 2 = (—{ £ /{* — Dwy, whose
location in the s plane is controlled by ¢ as follows:

H(s) = (3.40)

1. For ¢ > 1, the poles are real and negative. The natural response consists of two
decaying exponentials and is said to be overdamped.
2. For 0 < < |, the poles are complex conjugate and can be expressed as

P12 = —twp  jogy/} - {2 (3.41)

These poles lie in the left half plane, and the natural response, now called under-
dampez? is the damped sinusoid x,(1) = 2| Afe 8 cos(wgy/1 — l;zt + 4A4),
where A is the residue at the upper pole. o

3. For ¢ = 0, Eq. (3.41) yields p; 2 = % jwy, indicating that the poles lie r_1ght on
the imaginary axis. The natural response is a sustained, ot undamped, sinusoid
with frequency wy; hence the name for ay.

4. For { <0, the poles lie in the right half plane, thus causing a diverging response
because the exponent in the term e~ “* is now positive. Filters must have { > 0
in order to be stable.

The system of trajectories described by the roots as a function of ¢ is _the root locus
depicted in Fig. 3.18. Note that for { = 1 the poles are real and com&:ldenl._
Letting s —> jw yields the frequency response, which we shall express in terms
of the alternative dimensionless parameter (0 as
N{jw)
1 = (w/wo)? + (jo/w)/Q

o=L1" (343)

24
The meaning of @ will become clear as we proceed.

(3.42)

H(jw)=

The Low-Pass Response Hy p

Al second-order low-pass functions can be put in the standard form l‘!( jw) =
HoLp Hp(jw), where Hopp is a suitable constant referred to as the dc gain, and

1

(3.44)
| — (/) + (jofwy)/Q

Hp(jo)=



rs.

jo
=0
<0
0<{<l
=1 *
o
{>1 >l
0<§'<: ¢ <0
{=0
FIGURE }.18

Root locus for a second-order transfer function.

To construct the magnitude plot we use asymptotic approximations.

1. For w/dxg <« 1, the second and third denominator terms can be ignored in com-
parison with unity, so H p — 1. The low-frequency asymptote is thus

{Hiplap =0  (w/wp K 1) (3.45q)

2. For w/wg > 1, the second denominator term dominates over the other two,
so Hp — —1/(w/wp)?. The high-frequency asymptote is |Hiplap =
20 logg[1/(w/wp)?], or

IHiplag = —40log)g(w/wp)  (w/wp > 1) (3.455)

This equation is of the type y = —40x, or astraight line with a slope of —40dB/dec.
Compared to the first-order response, which has a slope of only —20 dB/dec, the
second-order response is closer to the idealized brick-wall profile.

3. For w/wp = |, the two asymptotes meet since letting @/wp = | in Eq. (3.45b)
givesEq. (3.45a). Moreover, the first and second denominator terms cancel each
other out to give Hip = —jQ, or

{Hipldg = QdB (w/wp=1) (3.45¢)

Inthe frequency region near w/wp = 1 we now have a family of curves, depending
on the value of Q. Contrast this with the first-order case, where only one curve
was possible.

The second-order response, besides providing a high-frequency asymptotic
slope twice as steep, offers an additional degree of freedom in specifying the magni-
tude profile in the vicinity of w/wg = 1. In actual applications, Q may range from as
low as 0.5 to as high as 100, with values near unity being by far the most common.
The magnitude plot is shown in Fig. 3.19a for different values of Q. For low Qs the

20 Q=10 ias 20 "y =
10 i i 10 = i
0 - 0 Fe-an
—~ - - - [ t=0.707
3 3
§ -0 =5 g 10 S=ib_
) o o
- WA R - [ e=0.2_
20 o -20 y 4
-3 -30
-40 —a0 1
0.102 05 1.0 20 50 10 0.102 051.0 20 50 10
wlwy wlwy
(a) (b)
FIGURE 3.1%

Standard second-order responses for different values of Q: (a) low-pass and
(b) high-pass.

transition from one asymptote to the other is very gradual, while for high Qs there is
a range of frequencies in the vicinity of w/awy = | where |Hy p| > 1, a phenomenon
referred to as peaking.

One can prove that the largest Q before the onset of peaking is @ = 1//2 =
0.707. The corresponding curve is said to be maximally flat and is also referred to as
the Butterworth response. This curve is the closest to the brick-wall model, hence
its widespread use. By Eq. (3.45¢), |H_plag = (1/v/2)gg = —3 dB. The meaning
of wy for the Butterworth response is the same as for the first-order case, that is, wy
represents the — 3-dB frequency, also called the cutoff frequency.

It can be proven® that in the case of peaked responses, or @ > 1/v/2, the fre-
quency at which | Hpp| is maximized and the corresponding maximum are

wfwg =4/1~— 1/202 (3.46a)

| HLplmax = 2 __
V1- 17402

For sufficiently large Qs, say, @ > 5, we have w/wg = | and |Hip|max = O.
Of course, in the absence of peaking, or Q < 1 /«/5, the maximum is reached at
w/wg = 0, that is, at dc. Peaked responses are useful in the cascade synthesis of
higher-order filters, to be covered in Chapter 4.

(3.46b)

The High-Pass Response Hyp

The standard form of all second-order high-pass functions is H (jw) = Hopp Hyp
(jw), where Hoyp is called the high-frequency gain, and

~{w/wp)?
1~ (@/w)? + (jw/ay)/Q

(Note that the negative sign in the numerator is part of the definition.) Letting jw — s
Teveals that H (s), besides the pole pair, has a double zero at the origin. To construct

Hyp(jw) = (3.47)
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Jeedback. In Fig. 3.22b the output of the Ry-C, stage is magnified by an amplifier
with gain K, and then is fed back to the interstage node via C), whose bottom terminal
has been lifted off ground to create the positive feedback path. This feedback must be
effective only in the vicinity of w = wq, where bolstering is specifically needed. We
can use physical insight to verify the band-pass nature of the feedback: for w/wy < |
the impedance of C is simply too large to feed back much signal, whereas for
w/wy 3> 1 the shunting action by C, makes V, too small to do much good: however,
near w/wy = | there will be feedback, which we can adjust for the desired amount

of peaking by acting on K. Filters of the type of Fig. 3.22b are aptly called KRC
filters—or also Sallen-Key filters, for their inventors.

Low-Pass KRC Filters

InFig. 3.23 the gain block is implemented with an op amp operating as a noninverting
amplifier, and

K=1+32 (3.59)

R
Ry

Note that V,, is obtained from the output node of the op amp to take advantage of its

low impedance. By inspection,

Vo= K——V
e RyCas + 1 !
Summing currents at node V,,

Vi—V| + Vo/K -V Vo=V
R, R, 1/C)s

Eliminating V| and collecting, we get

v, K
H$)=—=
Vi  RICIRCas2+[(1 = K)R|Ci + R1Ca + RyCals + |

iy

E
>
3
=<
~
=

G

5
s
>4

——e

FIGURE 3.23
Low-pass KRC filter.

Letting s — jw yields

1
1 —w?R\C\R2C2 + jwl(l — K)R|C| + RI1Cy + R2Ca]
Next, we put this function in the standard form H(jw)= Ho pHrLp(jw). with

Hp(jw) as in Eq. (3.44). To do so, we equate the coefficients pairwise. By
inspection,

H(jw)=K

Hup=K (3.60a)

Letting w2 R\ C| R2C2 = (w/wg)? gives
wy = L
VRC R, C;
indicating that ey is the geometric mean of the individual-stage frequencies wy =
1/RC) and wy = 1/R7C7. Finally, letting jo[(]1 — K)R{C} + R1Ca + RC3] =
(jo/wp)/ Q gives

(3.60b)

(3.60¢)

1
Q= (1 - K)JRIC/RC2 + VRIC2/RCy + VR2C2/ R Cy

We observe that K and @ depend on component ratios, while wy depends on
component products. Because of component tolerances and op amp nonidealities,
the parameters of an actual filter are likely to depart from their intended values. Our
filter can be tuned as follows: (a) adjust R for the desired wy (this adjustment varies
also Q); (b) once wg has been tuned, adjust Ry for the desired Q@ (this leaves wyg
unchanged; however, it varies K, but this is of little concern because it does not affect
the frequency behavior).

Since we have five parameters (K, Ry, Cy, Rz, and C3) but only three equations,
we have the choice of fixing two so we can specify design equations for the remaining
three. Two common designs are the equal-component and the uniry-gain designs
(other designs are discussed in the end-of-chapter problems).

Equal-Component KRC Circuit

Imposing R| = R; = Rand C| = C, = C simplifies inventory and reduces Eq. (3.60)
to

1 - 1
= = — = ——— 3.61
Hop=K o=~ O0=3—F% 3.6
The design equations are then
RC=1/wy K=3-1/Q Rp=(K—-1DRy (3.62)

EXAMPLE 38. Using the equal-component design, specify elements for a second-order
low-pass filter with fo = 1 kHz and Q¢ = 5. What is its dc gain?

Solution. Arbitrarily select C =10 nF, which is an easily available value. Then,
R = 1/(wC) = 1/2m10° x 10 x 10-%) = 15.92 k2 (use 15.8 k2, 1%). More-
over, K =3 —1/5=1280,and Rg/Rs =280 — | = 1.80. Let Ry = 10.0kQ. 1%;
then, R = 17.8 kQ, 1%. The circuit, shown in Fig. 3.24q, has a dc gain of 2.78 V/V.
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FIGURE 3.24
Filter realizations of Examples 3.8 and 3.9.

EXAMPLE 39. Modify the circuit of Example 3.8 for a dc gain of 0 dB.

Solution. This situation arises often enough to merit a detailed treatment. To reduce
gain from an existing value Agq to a different value A, apply Thévenin’s theorem and
replace R, with a voltage divider R, and R such that

Ris
o R Rig il Ris = Ry
where the second constraint ensures that ay is unaffected by the replacement. Solving,
we get
Aoid Ry
Ria=R Rpg=——— 363
M ! Apew ' I - Ancw/AoId ( )

Inour case, Agy = 2.8 V/V and Apew = 1 V/IV. So, Rj4 = 1592 x 2.8/1 = 4456 kQ
(use 44.2kQ, 1%) and R 5 = 15.92/(1 — 1/2.8) = 24.76 kQ (use 24.9 kQ, 1%). The
circuit is shown in Fig. 3.24b.

Unity-Gain KRC Circuit

Imposing K =1 minimizes the number of components and also maximizes the
bandwidth of the op amp, an issue that will be studied in Chapter 6. To simplify the
math, we relabel the components as Ry = R, Cy = C, Ry = mR,and C| = nC.
Then, Eq. (3.60) reduces to

1 J/mn
Hop =1V/V — wo=—pe =01 (3.64)

You can verify that for a given n,  is maximized when m = 1, that is, when the
resistances are equal. With m = 1, Eq. (3.64) gives n =402, In practice, one starts
out with two easily available capacitances in a ratio n > 4Q7; then m is found as
m=k+ vk? -1, where k =n/2Q? — 1.

576 k2 221kQ

C
I nF

|EH

FIGURE 3.2
Filter of Example 3.10.

EXAMPLE 3.10. (a) Using the unity-gain option, design a low-pass filter with f) =
10 kHz and Q = 2. (b) Use PSpice 1o visualize its frequency response.

Solution.

(a) Arbitrasily pick C = I nE Since 40? =4 x 2% = 16, let n = 20. Then, nC =20nF,
k=20/(2 x2Y) ~1=1.5,m =154+ /152 — 1 = 2618, R = 1/(/mnwyC) =
1/(v2618 x 20 x 2w 10* x 107%) = 2.199 k<2 (use 2.21 k2, 1%), and mR =
5.758 k2 (use 5.76 k$2, 1%). The filter is shown in Fig. 3.25.

(b) Using the node numbering shown, we write the PSpice file:

KRC low-pass filter: f0 = 10 kHz, Q = 2.
vi 10 ac1lv

fm 12 5.76k

R24 2.21k

Co 1 3 300F

C40 1inPF

a0A 3 0 4 3 16

.ac dec 100 1kHz 10QkHz

.probe .

.end '

The frequency response is shown in Fig. 3.26.

EXAMPLE 3.11. (@) Design a second-order low-pass Butterworth filter with a —3-dB
frequency of 10 kHz. (b) If v; (1) = 10 cos (47 10%t — 90°) V, find v, (r).

Solution.

(a) The Butterworth response, for which Q@ = 1/ V2, is implemented with m = 1 and
n =2 Letting C = 1 naF, wegetnC =2nFand mR = R = 1L.25 k2 (use 11.3
k2, 1%).

(b) Since w/wy = 2, we have H(j4n10*) = I/} — 2% + j2/(1/VD)) = (1/V1D)
/136.69° VIV. So, V,,, = 10//17 = 2.426 V. 6, = 136.69° — 90° = 46.69°, and
vo(t) = 2.426 cos (4m 10%1 + 46.69°) V.

The advantages of the unity-gain design are offset by a quadratic increase of
the capacitance spread n with Q. Moreover, the circuit does not enjoy the tuning
advantages of the equal-component design because the adjustments of wy and Q
interfere with each other, as revealed by Eq. (3.64). On the other hand, at high Qs
the equal-component design becomes too sensitive to the tolerances of Rp and R4,
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the magnitude plot we can again use asymptotic approximations; however, the pro-
cedure can be speeded up considerably by noting that the function Hyp(jw/wg) can
be obtained from Hyp(jw/wp) by the substitution of (jw/wp) — 1/(jw/wy). As
shown in Fig. 3.19b, the magnitude plot of Hyp is thus the mirror image of that of
Hy p. Equation (3.46) stitl holds, provided we replace w/wy with wy/w.

The Band-Pass Response Hpp

The standard form of all second-order band-pass functions is H(jw) = Hygp Hgp

(jw), where Hygp is the called the resonance gain, and
(Jw/w)/Q

I — (@/wp)? + (jo/w)/Q

(Note that Q in the numerator is part of the definition.) Besides the pole pair, this

function has a zero at the origin. To construct the magnitude plot we use asymptotic
approximations.

Hpp(jw) = (3.48)

1. For w/ag &« 1, we can ignore the second and third denominator terms and
write Hgp — (jw/wg)/ Q. The low-frequency asymptote is thus |Hpplgg =
20logpl(w/wp)/ Q1. or

| Hoplap = 20log o(w/@p) — Odp &(:)/wo &« (34%)

This equation is of the type y = 20x — g, indicating a straight line with a slope
of 420 dB/dec, but shifted by — Q4p with respect to the 0-dB axis at w/wg = 1.

2. For w/wgy > 1, the second term dominates in the denominator, so Hgp —
—j1/(w/wp)Q. The high-frequency asymptote is thus

|Hgplap = —20log;y(w/wp) — Qus (w/wg > 1) (3.49b)

This is a straight line with the same amount of downshift as before, but with a
slope of —20 dB/dec.
3. Forw/wg=1,weget Hgp = 1, or

iHgplae =0  (w/wp=1) (3.49¢)

One can prove that | Hgp| peaks at w/wy = | regardless of @, this being the reason
why ax) is called the peak, or resonance, frequency.

Magnitude is plotted in Fig. 3.20a for different Qs. All curves peak at 0 dB.
Those corresponding to low Qs are broad, but those corresponding to high Qs are
narrow, indicating a higher degree of selectivity. In the vicinity of w/wg = 1 the high-
selectivity curves are much steeper than 20 dB/dec, though away from resonance
they roll off at the same ultimate rate of +£20 dB/dec.

To express selectivity quantitatively, we introduce the bandwidth

BW = WH — @[ (350)

where wj and wy are the —3-dB frequencies, that is, the frequencies at which the
response is 3 dB below its maximum, as depicted in Fig. 3.20b. One can prow:5

)
540 =8 ab--S-]--

Gamn {dB)
)

0.1 051 2 5 10 W, Wy Wy
'y w

(a) (b)

-

FIGURE 3.20
(a) Standard second-order band-pass response as a function of @, and
(b) its bandwidth BW.

wr = wo(y/1 + 17402 — 1/2Q) 3.51a)
wy = wp(y/ 1 + 17402 + 1/2Q) (3.51b)

wp = JOLOH (3.52)

The tesonance frequency ¢y is the geometric mean of wy and wy, indicating thaton
a logarithmic scale wg appears halfway between w, and wy . It is apparent that the
narrower the bandwidth, the more selective the filter. However, selectivity depends
also on wy, since a filter with BW = 10 rad/s and wo =1 krad/s is certainly more
selective than one with BW = 10 rad/s but wgy= 100 rad/s. A proper measure of
selectivity is the ratio wy/BW. Subtracting Eq. (3.51a) from Eq. (3.51 b) and taking
the reciprocal, we get

that

wg
= — 3.53
¢ BW ( )

that is, Q is the selectivity. We now have a more concrete interpretation for this
parameter.

-

The Notch Response Hy

The most common form for the notch function is H(jw) = HonHN(jw), where
Hon is an appropriate gain constant, and

— 2
| - (/o) (3.54)
| — (w/wp)? + (jw/wg)/Q
(In Section 3.7 we shall see that other notch functions are possible, in which @0 in
the numerator has not necessarily the same value as ey in the denominaloir.) Le.m"g
jw — 5 reveals that H (s), besides the pole pair, has a zero pair on the imaginary

Hn(jo) =
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FIGURE 3.21
Standard second-order responses for different values of Q: (a) notch and
(b) all-pass.

axis, or 2,2 = *jwy. We observe that at sufficiently low and high frequencies,
Hyn — 1. However, for w/wg = | we get Hy — 0, or |HNlgp — —o0. The notch
response is shown in Fig. 3.214a, where we note that the higher the Q, the narrower
the notch. For obvious reasons, ay is called the notch frequency. In a practical circuit,
due to component nonidealities, an infinitely deep notch is unrealizable.

It is igteresting to note that

Hy = Hip+ Hyp =1 — Hpp (3.55)

indicating alternative ways of synthesizing the notch response once the other re-
sponses are available.

The All-Pass Response Hpp

Its general form is H(jw) = HoapHap(jw), where Hoap is the usual gain term,
and

|~ (w/wp)® — (jw/wo)/Q
1 — (w/wp)? + (jw/w)/ @
This function has two poles and two zeros. For @ > 0.5, the zeros and poles are

complex and are symmetrical about the jw axis. Since N(jw) = D(jw), we have
|Hapl = 1, or |Hpplgs = 0 dB, regardless of frequency. The argument is

(3.56)

Hap(jo) =

LHpp = —2tan”! w/en)/Q for w/jwp < | (3.57a)
1 — (w/wg)?
Y Hpp = -360° — 2tan~! M/—% forw/wg > 1 (3.57h)
1 — (w/wp)

indicating that as w /wy is swept from O to 0o, the argument changes from 0°, through
—180°, to —360°. This is shown in Fig. 3.21b. The all-pass function can also be

synthesized as
Hpp = Hip — Hgp + Hup = | — 2Hpp (3.58)

Filter Measurements

Because of component tolerances and other nonidealities, the parameters of a prac-
tical filter are likely to deviate from their design values. We thus need to measure
them and, if necessary, to tune them via suitable potentiometers.

For a low-pass filter we have Hip(j0) = HoLp and Hip(jewy) = —jHorpQ-
To measure wy we look for the frequency at which the output is shifted by 90° with
respect to the input, and to measure Q we take the ratio O = |Hyp(jwy)|/| HoLpl.

For a band-pass filter we have Hpp(jwy) = Hogp, LHpp(jwr) = <Hppp—45°,
and L{Hpp{(jwy) = <Hopp — 135°. Thus, wy is measured as the frequency at which
the output is in phase with the input if Hogp > 0, or 180° out of phase if Hygp < 0.
To find Q, we measure the frequencies w; and wy at which the output is shifted by
+45° with respect to the input. Then, @ = wy/{(wy — wy). The reader can apply
similar considerations to measure the parameters of the other responses.

3.5
KRC FILTERS

Since an R-C stage provides a first-order low-pass response, cascading two such
stages as in Fig. 3.22a ought to provide a second-order response, and without using
any inductances. Indeed, at low frequencies the capacitors act as open circuits, thus
letting the input signal pass through with H — 1 V/V. At high frequencies the
incoming signal will be shunted to ground first by C; and then by C3, thus providing
atwo-step attenuation; hence the designation second-order. Since at high frequencies
a single R-C stage gives H — 1/{jw/uwy), the cascade combination of two stages
gives H — [1/(jw/w)lx[1/(jo/w)) = —1/(w/wy)?, wp = /@13, indicating
an asymptotic slope of —40 dB/dec. The filter of Fig. 3.22a does meet the asymptotic
criteria for a second-order low-pass response; however, it does not offer sufficient
flexibility for controlling the magnitude profile in the vicinity of w/wy = L. In fact,
one can prove® that this all-passive filter yields Q < 0.5.

If we wish to increase Q above 0.5, we must bolster the magnitude response
near w = wy. One way to achieve this is by providing a controlled amount of positive

R R,

v, ol C,

1S4+

(a) (b)

FIGURE 3.22
(a) Passive and () active realization of a second-order low-pass filter.
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FIGURE 3.2¢
Frequency response of the filter of Fig. 3.25.

when their ratio is very close to 2. A slight mismatch may cause an intolerable
departure of Q from the desired value. Should this ratio reach (or even surpass) 2,
© will become infinite (or even negative), causing the filter to oscillate. For these
reasons, KRC filters are used for Qs below 10. Section 3.7 presents filter topologies
suited to high Qs.

High-Pass KRC Filters

Interchanging the components of a low-pass R-C stage with each other turns it into
a high-pass C-R stage. Interchanging resistances and capacitances in the low-pass
filter of Fig. 3.23 leads to the filter of Fig. 3.27, which you can readily classify as
a high-pass type using physical insight. By similar analysis, we find that V,/ V; =
Honp Hup, where Hyp is given in Eq. (3.47), and

1

“= VRICI R,
|
¢= (1 = K)JRC/R(Cy + VR C2/R.C + VR C R Gy

As in the low-pass case, two interesting options available to the designer are the
equal-component and the unity-gain designs.

H()HP =K (3 650)

(3.65h)

EXERCISE 3.1. Derive Eq. (3.65).

FIGURE 3.27
High-pass KRC filter.

EXAMPLE 3.12. Design asecond-order high-pass filter with fy = 200Hzand Q0 = 1.5.

Solution. To minimize the component count, choose the unity-gain option, for which
Ry = coand Rg = 0. Letting C, = nC; and Ry = mR; in Eq. (3.65) gives ay =
1//mnRC and Q@ = (/nm)/(n + 1).Let Cy = C; = 0.1 uF, sothatn = 1. Imposing
1.5 = (/T/m)/2 gives m = 1/9, and imposing 27200 = 1 /(/T/OR; % 107) gives
Ry =2387kQand Ry =mR; = 2.653kQ2.

Band-Pass KRC Filters

The circuit of Fig. 3.28 consists of an R-C stage followed by a C-R stage to synthe-
size a band-pass block, and a gain block to provide positive feedback via Rj. This
feedback is designed to bolster the response near w/wy = 1. The ac analysis of the
filter yields V,,/ V; = Hopp Hpp, where Hpp is given in Eq. (3.48), and

K VT+Ri/R;

H = N~ i3
B = TF (= OR/B+ (U +C/CIR/R; T URiCIRG,
(3.66a)
0= VI+RI/R;
1+ (= K)R/R3IVRC/R €y + VR G R, Ty + VRIC TR, G,
(3.66b)

We again note that one can vary Rj (o tune wy and Rp to adjust Q.

FIGURE }.28
Band-pass KRC filter.
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If Q > +/2/3. a convenient choice is Ry = R; = R3 = Rand C; = C2 = C,
in which case the above expressions reduce to

K V2 V2
Hyge = ik wp = o= 0= ik 367
The corresponding design equations are
RC=vVZjwy K=4-+v2/Q Rp=(K-1Ry4 (3.68)

EXERCISE 3.2, Derive Egs. (3.66) through (3.68).

EXAMPLE 3.13. (a) Design a second-order band-pass filter with fo = 1 kHz and
BW = 100 Hz. What is its resonance gain? (b} Modify the circuit for a resonance gain
of 20 dB. -

Solution.

(a) Use the equal-compopent option with C, = C; = l0nFand Ry = Ry = B3 =
V272 10° x 1078y = 22.5 k2 (use 22.6 kR, 1%). We need O = fo/BW = 10,
s0 K =4 — JZ/10 = 3.858. Pick R, = 10.0kQ, 1%. Then, Rg = (K — DR, =
28.58 kQ (use 28.7 k2, 1%). The resonance gain is K /(4 — K) = 27.28 V/V.

(b) Replace R, with two resistances R4 and R, g, in the manner of Example 3.9, whose
values are found via Eq. (3.63) with Ayy = 27.28 V/IV and A, = 10208 =
10 V/V. This gives R4 = 61.9kQ, 1%, and Ry = 35.7kQ, 1%.

Band-Reéject KRC Filters

The circuit of Fig. 3.29 consists of a twin-T-network and a gain block to provide pos-
itive feedback via the top capacitance. The T-networks provide alternative forward
paths through which V; can reach the amplifier’s input: the low-frequency path R-R,
and the high-frequency path C-C, indicating H — K at the frequency extremes.
At intermediate frequencies, however, the two paths provide opposing phase angles,
indicating a tendency of the two forward signals to cancel each other out at the
amplifier’s input. We thus anticipate a notch response. The ac analysis of the circuit
gives V,,/ V; = Hon Hy, where Hy is given in Eq. (3.54), and
1 1

EXERCISE 33. Derive Eq. (3.69).
R 2€ iI R
v
b C [
w — Re
‘ R
2
= RA
FIGURE 3.29

Band-reject KRC filter.

EXAMPLE 3.34. Design a second-order notch filter with fy = 60 Hz and BW = 5 Hz.
What is its low- and high-frequency gain?

Solution. Let C =100 nF and 2C =200 nF. Then, R = 1/(2760 x 1077) =26.53 kR,
and R/2=13.26k2. Since @ =60/5=12, we get 2K =4 1/12, or K = 47/24, which
represents the low- as well as the high-frequency gain of the filter. Use Ry = 10.0 k2
and Ry =9.53kQ.

3.6
MULTIPLE-FEEDBACK FILTERS

Multiple-feedback filters utilize more than one feedback path. Unlike their KRC
counterparts, which configure the op amp for a finite gain K, multiple-feedback
filters exploit the full open-loop gain and are also referred to as infinite-gain filters.
Together with KRC filters, they are the most popular single-op-amp realizations of
the second-order responses.

Band-Pass Filters
In the circuit of Fig. 3.30, also called the Delyiannis-Friend filter, named after its
inventors, the op amp acts as a differentiator with respect to Vy, so we write
Vo = —sRC2 V)
Summing currents at node V},
Vi—-V, Vo — V) 0~—V|_
R, 1/sCy * 1/sCy
Eliminating Vy, letting s — jw, and rearranging,

, v, —jwRyC
H(]w)=—2= —— Jw 2'2
V; 1 - w“RiR2C\C2 4+ joR ) (Cy + Cp)
Tg put this function in the standard form H(jw)= Hypp Hpp(jw), we impose
W R R, CyC; = (wfwp)? to get

1

W) = —m——— 3.70a
IR G (370a)
¢
R
R, G z
v, —o V,
Vi
FIGURE ).30

Multiple-feedback band-pass filter.
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R,
316 kQ
—o V,
FIGURE 3.31
Band-pass filter of Example 3.15.
and joR(C) + C2) = (jw/wy)/Q to get
JR2/R
0= 2/01 (3.70b)
JCICy + /GGy
Finally, we impose — jwRC; = Hogp x (jw/wg)/Q to get
—R2/Ry
Hopp = —————— 3.70¢
B =T¥C/C (3.70)

Clearly, this filter is of the inverting type. It is customary to impose C; = Cy = C,
after which the above expressions simplify to

i

- =05R =-20? .
o JREC 2 =05VR/R Hopp = —-2Q 3.1
The corresponding design equations are
R =1/2000C Ry =20Q/wC (3.72)

Denoting resonance-gain magnitude as Hy = | Hygp| for simplicity, we observe
that it increases quadratically with Q. If we want Hy < 2Q2, we must replace R
with a voltage divider in the manner of Example 3.9. The design equations are then

Ria = Q/HoanC  Rip = Riz/(2Q%Hy — 1) (3.73)

EXAMPLE 3.15. Designamultiple-feedback band-pass filter with fo = | kHz, 0 = 10,
and Hp = 20 dB. Show the final circuit.

Solution. Let € = C; = 10 nF. Then, R; = 2 x 1Q/(2710° x 10°%) = 318.3kQ2
(use 316 kQ, 1%). Since 20 dB implies Hy = 10 V/V, which is less than 2Q2 = 200,
we need an input attenuator. Thus, Ry, = 10/(10 x 27 10* x 1078) = 15.92 kQ (use
158kQ, 1%), and R,z = 15.92/(200/10— 1) = 837.7 Q2 (use 845 2, 1%). The circuit
is shown in Fig. 3.31.

Low-Pass Filters

The circuit of Fig. 3.32 consists of the low-pass stage R;-C| followed by the integra-
tor stage made up of Rz, C2, and the op amp, so we anticipate a low-pass response.

FIGURE 3.32
Multiple-feedback iow-pass filter.

a

Moreover, the presence of positive feedback via R3 should allow for Q control. The
ac analysis of the circuit gives V,;/V; = HoLp Hyp, where

R3 1
Horp = ——=

Ry “= JRIRCCy 374
VCi/C2 ’
v ReRs/ R+ VR TR + VR TR

These expressions indicate that we can vary Rj to adjust wo, and R to adjust Q.

EXERCISE 34. Derive Eq. (3.74).

A possible design procedure? is to choose aconvenient value for C and calculate
C| = nC,, where n is the capacitance spread,

n > 40%(1 + Ho) (3.75)
Hp being the desired dc-gain magnitude. The resistances are then found as
Ry = 1+ VI-40°( + H/n R R2=—2——]—— (3.76)
2wpQC> Ho wyRIC1C2

A disadvantage of this filter is that the higher the Q and Hy, the greater the capacitance
spread.

-

EXAMPLE 3.16. Design a multiple-feedback low-pass filter with Ho = 2 V/V, fo=
10 kHz, and Q = 4.

ituti i i = 200. Start out with
Solution. Substituting the given values yields n = 192. Let n
C; = | oF. Then, C;, = 0.2 uF, Ry = 2.387 kQ (use 237 kQ, 1%), Ry = 1.194 k&2
(use 1.18 k2, 1%), and R3 = 530.5 §2 (use 536 Q, 1%).

Notch Filters

The circuit of Fig. 3.33 exploits Eq. (3.55) to synthesize the notch response using the
band-pass response. By inspection, V, = —(Rs/Rg)(—HpHBP).V,- —(Rs/Ry)V; =
~(Rs/Ry)[1 — (HoR4/R3)HgplV;. It is apparent that imposing HoRa/R3 = 1



1818

[R—;

v Rw}
= = R4 p —O VU

FIGURE 3.3}
Synthesis of Hy using Hpp.

leads to a mutual cancellation of the (jw/wp)/Q terms in the numerator, giving
Vo/ Vi = HonHN, Hon = —Rs/Rs.

EXAMPLE 3.17. Design a notch filter with fy = | kHz, 0 = 10, and Hony = 0 dB.

Solution. First, implement aband-pass stage with fo = 1 kHz, @ = 10,and Hy = 1V/
V. Using C), = C; = 10 nF, this requires Ry = 318.3 k2, Rj4 = 159.2 kQ, and
Rig = 799.8 §2. Then, use R3 = Ry = Rs = 10.00 k2.

37
STATE-VARIABLE AND BIQUAD FILTERS

The second-order filters investigated so far use a single op amp with a minimum
or near-minimum number of external components. Simplicity, however, does not
come without a price. Drawbacks such as wide component spreads; awkward tuning
capabilities; and high sensitivity to component variations, particularly to the gain of
the amplifier, generally limit these filters to @ < 10.

Component minimization, especially minimization of the number of op amps,
was of concern when these devices were expensive. Nowadays, multipie-op-amp
packages such as duals and quads are cost-competitive with precision passive com-
ponents. The question then arises whether filter performance and versatility can
be improved by shifting the burden from passive to active devices. The answer is
provided by multiple-op-amp filters, such as the state-variable and biquad types,
which, though using more components, are generally easier to tune, are less sen-
sitive to passive component variations, and do not require extravagant component
spreads. Since they provide more than one response simultaneously, they are also
referred to as universal filters.

State-Variable (SV) Filters

The SV filter—also known as the KHN filter for inventors W. J. Kerwin, L. P.
Huelsman, and R. W. Newcomb, who first reported it in 1967—uses two integra-
tors and a summing amplifier to provide the second-order low-pass, band-pass, and

FIGURE 3.34
State-variable filter (inverting).

high-pass responses. A fourth op amp can be used to combine the existing responses
and synthesize the notch or the all-pass responses. The circuit realizes a second-order
differential equation, hence its name.

In the SV version of Fig. 3.34, OA| forms a linear combination of the input and
the outputs of the remaining op amps. Using the superposition principle, we write

Rs Rs Rs R
Vp = ——V; — —~V] +(l+ ) W
Ryl T R, LE RallRs) Ri+ Ry °F
Rs Rs 1+ Rs/R3+ Rs/R4
= -2V, - 22V, v
R R e+ I+ Ry/Ry BP (3.77)
Since OA; and OA3 are integrators, we have
-1 -1
Vap = Vi Vip = W .

BP ReCrs HP LP R:Cos BP (3.78)

or Vi p = (1/ RgCy R7C25%) Vip. Substituting Vgp and Vi p into Eq. (3.77) and col-
lecting, we get
Yup __Rs R4R6C) R7C25/Rs

Vi Ry RaRsC1R7C25%/Rs + Ra(1 + Rs/R3 + Rs/Rq)s/(1 + Ry/R))Rs + |
Putting this expression in the standard form Vyp/ V; = HoypHuyp allows us to find
Houp = —Rs/R3 and

o) = VRs/Rq 0= (1+ Ry/R\)/RsRsC /R4 R7C;
VRsC1 R7C; 1+ Rs/R3+ Rs/Ra

Using Vpp/V; = (—1/RgCs)Vyup/V; indicates that Vgp/V; = HogpHgp, and
also allows us to find Hygp. We similarly find Vi p/V; = (~1/R1Cas)Vgp/ V; =
HoLp Hy p. The results are

(3.79)

_ 1+ Ry/R)
1+ R3/R4 + R3/Rs
The above derivations reveal some interesting properties: first, the band-pass
Tesponse is generated by integrating the high-pass response, and the low-pass is in
turn generated by integrating the band-pass; second, since the product of two transfer
functions corresponds to the addition of their decibel plots, and since the integrator
Plot has a constant slope of —20 dB/dec, the band-pass decibel plot is obtained by

Rs R4
Hoyp = & Hopp Hop = & (3.80)
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rotating the high-pass decibel plot clockwise by 20 dB/dec, and the low-pass plot
by a similar rotation of the band-pass plot.

We observe that 2 is no longer the result of a cancellation, as in the case of
KRC filters, but depends on the resistor ratio R2/R) in a straightforward manner.
We therefore expect Q to be much less sensitive to resistance tolerances and drift.
Indeed, with proper component selection and circuit construction, the SV filter can
easily yield dependable Qs in the range of hundreds. For best results, use metal-film
resistors and polystyrene or polycarbonate capacitors, and properly bypass the op
amp supplies.

The SV filter is usually implemented with Rs = R4 = R3, Rg = R7 = R, and
C) = (3 = C, so the earlier expressions simplify to

wp=1/RC Q= %(1+R2/R|) (3.81a)

Hoyp = —1 Hopp = Q0 Hopp = -1 (3.81b)

The filter is tuned as follows: (@) adjust R for the desired magnitude of the response
of interest; (b) adjust Rg (or Ry) to tune wy; (c) adjust the ratio R /R to tune Q.

'
EXAMPLE 3.18. In the circuit of Fig 3.34 specify component values for a band-pass
response with a bandwidth of 10 Hz centered at 1 kHz. What is the resonance gain?

Solution. Pick the convenient values C; = C; = 10nF. Then, R = l/(27rl(}‘ x 1078 =
15.92 k€2 (use 15.8 k2, 1%). By definition, Q = fo/BW = 10°/10 = 100. Imposing
(1 + Ry/Ry)/3 = 100 gives R;/Ry = 299. Pick R} = 1.00 k2, 1%, and R; = 301
k2, 1%. To simplify inventory, let also R; = Ry = Rs = 15.8 k2, 1%. The gain at
resonance is Hopp = 100 V/V,

Equation (3.815) indicates that at @ = wy all three responses exhibit a magnitude
of @ V/V. In high-Q situations this may cause the op amps to saturate, unless the
input signal level is kept suitably low. Low-input levels can be obtained by replacing
Ry with a suitable voltage divider, in the manner of Example 3.9 (see Problem 3.35).

Moving the input signal from the inverting to the noninverting side of OA results
in the circuit of Fig. 3.35, which represents another popular form of the SV filter. It

FIGURE .38
State-variable filter (noninverting).

can be shown (see Problem 3.36) that with the components shown, we now have

wg=1/RC Q=1+ Ra/2R, (3822 s

Honp = 1/Q Hogp = —1 HoLp = 1/Q (3.82b)

indicating that for @ = wp all three responses now exhibit 0-dB magnitudes. The
band-pass plot is as in Fig. 3.20a; the low- and high-pass plots are as in Fig. 3.19,
but shifted downward by Qgp.

The Biquad Filter

Also known as the Tow-Thomas filter, for its inventors, the circuit of Fig. 3.36 consists
of two integrators, one of which is of the lossy type. The third op amp is a unity-
gain inverting amplifier whose sole purpose is to provide polarity reversal. If one of
the integrators is allowed to be of the noninverting type, the inverting amplifier is
omitted and only two op amps are required.

To analyze the circuit, we sum currents at the inverting-input node of OAy,

Vi Y Ver  Vep
Ry Rs R, 1/5C)

Letting Vip=(—1/R4C25)Vpp and colleclin.g gives Vpp/V; = HoppHpp and
Vip/ Vi = (=1/R4Ca5) Vap/ V; = HoLp Hyp, with

H Ry o _Rs _ 1 _RJG
BF="% TR = JRaRsCi1C; JRaRsC2
(3.83)

We observe that unlike the SV filter, the biquad yields only two significant responses.
However, since all its op amps are operated in the inverting mode, the circuit is
immune from common-mode limitations, an issue to be studied in Chapter 5.

FIGURE 3.36
Biquad filter.
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The biquad filter is usually implemented with R4 = Rs = RandC) = C2 = C,
after which the above expressions simplify as

_ 1
“=%e
The filter is tuned as follows: (a) adjust R4 (or Rs) to tune wyg; (b) adjust R to tune
@ (c) adjust Ry for the desired value of Hogp or of Hopp.

R, R R
= —— Hyp = — = — 3.84
Hopp = - R e = o Q= (3.84)

EXAMPLE 3.19. Design a biquad filter with f; = 8 kHz, BW = 200 Hz, and a 20-dB
resonance gain. What is the value of Hy.p?

Solution. Let C, = C; = | nF. Then, Ry = Rs = 1/(2n x 8 x 10° x 107%) =
19.89 k2 (use 20.0 k2, 1‘73); @=8x 103/200 =40, R; = 40 x 19.89 = 7958 k2
(use 78T k2, 1%); R, = Ry/ 1072 = 78.7 kS, 1%; HoLp = 20.0/78.7 = 0.254 V/V,
or —11.9dB.

The Notch Response

With the help of a fourth op amp and a few resistors, both the biquad and the SV
circuits can be configured for the notch response, which explains why these filters are
also called universal. With a quad package, the fourth op amp is already available,
so it only takes a few resistors to synthesize a notch.

The filter of Fig. 3.37 uses the biquad circuit to generate the notch response as
VN = —[(Rs/R2)(V; — Vgp) + (Rs/R4)VLp), where the + sign depends on the

b ~HypV,;

FIGURE 3.37
Synthesizing notch responses.

o

switch position, as indicated. It can be shown (see Exercise 3.5) that

2 _ 2
W _RS“’; x ! ;"’/ wz) (3.85a)
Vi Rywg 11— (w/wp)® + (jw/wp)/Q
1 R
= — = = 1+ R3/R 3.85b
@ = o Q R w; = uy 2/R4Q ( )
This response presents a notch at @ = w,. We identify three cases:
1. R4 is absent, or R4 = 0. By Eq. (3.85), we have
R
w; = &y Hon = -1—?2 (3.86)
2

This is the familiar symmetric notch shown in Fig. 3.38b for the case |Hgn| =
(dB. It is obtained by subtracting Vgp from V;, in the manner depicted in Fig. 3.33.

. The switch is in the left position, so also a low-pass term is now being added

to the existing combination of V; and —Vpp. The result is a low-pass notch. By
Eq. (3.85), we now have

R_r,a.-2
HoLp = ———

Ry
indicating «; > wyg. The scaling term is called the dc gain Hgy p. The low-pass
notch is shown in Fig. 3.38a for the case ngLpl = 0 dB. By Eq. (3.854), the
high-frequency gain is Hopp = H()Lp(l/wz)/(l/w%) = —Rs/Ry.

w, = w1+ Ro/R4Q (3.87)

. The switch is in the right position, so the low-pass term is now being subtracted.

The result is a high-pass notch with

(3.88)

Rs
w =gy 1= R2/R4Q HOHP-_——E;

We now have w; < wp, and the scaling factor is called the high-frequency gain
Hoyp. This notch is shown in Fig. 3.38¢ for the case | Hogp| = 0 dB. The dc gain
is HOLP = -—st%/sz{z,. i

EXERCISE 35. Derive Eq. (3.85).

In Chapter 4 we shall use low- and high-pass notches to synthesize a class of

higher-order filters known as elliptic filters. The above expressions can be turned

|1y @By 1Hy| @B) |yl (9B)
Wy o, @, &y
0 @ 0 0]
(a) (b) ()
FIGURE 3.38

Notch responses: (a) low-pass notch, (b) symmetric notch, and (c) high-pass notch.
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around to yield the design equations:

1 Ry w2
R=—— R =0QR Ri=-—>-_-0_ 3.89
wnC 1 Q 4 Q |(0% _ w%l ( a)
wp\2
Rs =Ry (w—) for w; > wy Rs =Ry forw; <ayg (3.89b)
2

where R, and Rj are arbitrary and Rs has been specified for Hopp and Hoyp of 0
dB. These gains can be raised or lowered by changing Rs in proportion.

EXAMPLE 3.20. Specify the components of Fig. 3.37 for a low-pass notch with f =
1 kHz, f, = 2kHz, Q = !0, and 0-dB dc gain. What is the high-frequency gain?

Solution. LetC = 10nF;then R = 1/wyC = 15.9kQ2 (use 15.8kQ2); R, = QR =158
kS2; let Ry = 100k then Ry = (100/10)x 12/]12—22( = 3.333k2 (use 3.32kS2, 1%);
Rs = 100x (1/2)? = 25k (use 24.9kS2. 1%): Hopp = (1/2)2 = 0.25V/V = —124d8B.

a8
SENSITIVITY

Because of component tolerances and op amp nonidealities, the response of a prac-
tical filter is likely to deviate from that predicted by theory. Even if some of the
components are made adjustable to allow for fine tuning, deviations will still arise
because of component aging and thermal drift. It is therefore of interest to know
how sensitive a given filter is to component variations. For instance, the designer of
a second-order band-pass filter may want to know the extent to which a 1% variation
in a given resistance or capacitance affects wg and BW.

Given a filter parameter y such as wp and Q, and given a filter component x such
as a resistance R or a capacitance C, the classical sensitivity function Sk is defined as

a xa
sy By _xdy (3.90)
’ dx/x yox
where we use partial derivatives to account for the fact that filter parameters usually
depend on more than just one component. For small changes, we can approximate

&y o s? ax (3.91)
y x
This allows us to estimate the fractional parameter change Ay [y caused by the frac-
tional component change Ax/x. Multiplying both sides by 100 gives a relationship
between percentage changes. The sensitivity function satisfies the following useful
properties:

$] =517 = s (3.92a)
T SN 4 s (3.92b)
shiv _gh _gh (3.920)
S;" =n (3.92d)
s) = sl,sp (3.92¢)

(See Problem 3.41 for the derivations.) To gain an understanding of sensitivity, we
examine some popular filter configurations.

KRC Filter Sensitivities

With refell'egce tlozthe {aw-pass2 KRC filter of Fig. 3.23, we have, by Eq. (3.60b),
wp = Ry 2c7VAR; 12 C5 2. Consequently, Eq. (3.92d) gives

!
Sg =S50 =S¢ =S¢ =3 (3.93)

Applying Eqs. (3.90) and (3.92) to the expression for Q given in Eq. {3.60c), we
obtain

1
S8 = -S§ = QVRiGH/RIC, - 5 (3.94a)
1
5 = -5€ = Q(VRCH/RIC)) + VR G2 RyCy) - S (o)

52 = QK VRICITR,C; (3.94¢)
s2 =52 = 01 - K)VRiC1/R:C2 (3.94d)

For the equal-component design, the Q sensitivities simplify to

I
58 =-s€ =20- 5 (95

sg =-s8 =1-20 (3.95b)

0 0 !
Sk =—SR2=Q-—§
s@=30-1
and for the unity-gain design they simplify to

5@ 0 1-Ri/Ry 0

- _¢@ _ __co_1

Since the Q sensitivities of the equal-component design increase with Q, they
may become unacceptable at high Qs. As we aiready know, S,g is of particular
concern at high Os because a slight mismatch in the Rg/R4 ratioc may drive Q to
infinity or even make it negative, thus leading to oscillatory behavior. By contrast, the
unity-gain design offers much lower sensitivities. It is apparent that the designer must
carefully weigh a number of conflicting factors before choosing a particular filter
design for the given application. These include circuit simplicity, cost, component
spread, tunability, and sensitivity.

EXAMPLE 3.21. Investigate the effect of a 1% variation of each component in the
low-pass filter of (a} Example 3.8 and (b) Exampie 3.10.

Solution. By Eq. (3.93), a 1% increase (decrease) in any of Ry, C|, Rz, and C; causes
2 0.5% decrease (increase) in wy in either circuit.



R3
'ters:

(a) By Eq. (3.95), a 1% increase (decrease) in R, increases (decreases) 0 by ap-
proximately 5 — 0.5 = 4.5% (the opposite holds for Rz). Similarly, 1% capac-
itance variations result in Q variations of about 9.5%. Finally, since 1 — 2Q =
1-2 x5 = -9, it follows that | % variations in R, or in R result in @ variations of

about 9%.

(b) With R\/R;, = 5.76/2.21, Eq. (3.96) gives S,‘i = —S,% = —0.22. Thus, 1%
resistance and 1% capacitance variations result in Q variations of 0.22% and 0.5%,
respectively.

Multiple-Feedback Filter Sensitivities

The sensitivities of the multiple-feedback band-pass filter of Fig. 3.30 are found
from Eq. (3.70), and they are )

0 U v o _16-C
SR, = _SRI 5 ag, =8¢, = 5a+—C1 (3.97b)

Note that the equal-capacitance design results in Sg. = ng =0. The sensitivities
of the multiple-feedback low-pass filter of Fig. 3.32 can be computed likewise, and
they are found to be?
1
S:.?; = S(a’ = S:::: = S'a’ =-3 (3.98q)

1 1 1
|Sgl|<l |S,%|<§ |S,%|<5 Sg. ~_——ng =5 (3.986)

It is apparent that multiple-feedback configurations enjoy low sensitivities and are
therefore popular.

Multiple-Op-Amp Filter Sensitivities

The sensitivities of the biquad filter of Fig. 3.36 are found from Eq. (3.83), and the
results are

1
o _ _ 1
sp =1 sﬁ_sg:-g=sg=§ (3.99b)

These sensitivities are fairly low -and are similar to those of a passive RLC filter
yielding the same responses. The sensitivities of state-variable filters are similarly
low (see Problem 3.44). Considering also the advantages of tuning, low parameter
spread, and multiple simultaneous responses, we now appreciate why these filters
are widely used.

PROBLEMS

3.1 The transfer function

3.1 A transfer function with Ho = | hasazeroats = +1 kNp/sand a pole pairat =1 % ji
complex kNp/s. (a) Find its impulse response. (b) Find its steady-state response 10 an
ac input with unity amplitude, zero phase, and @ = 1 krad/s.

3,2 First-order active filters

3.2 The circuit of Fig. P3.2 is a noninverting differentiator. (a) Derive its transfer function.
(b) Specify component values for a unity-gain frequency of 100 Hz.

R R,

FIGURE P3.2

3.3 If R,C) = RyC,, thecircuit of Fig. P3.3 is a noninverting integrator. (a) Find its transfer
function. (b) Specify component values for a gain of 20 dB at 100 Hz.

FIGURE P3.3

3.4 (a) Specify suitable component values for a unity-gain frequency of | kHz in the Deboo
integrator of Fig. 3.7. (b) What happens if the upper-right resistance is 1% less than its
nominal value? Illustrate via the magnitude plot. Hint: Replace the Howland current
pump with its Norton equivalent.

3.5 Suppose the time constants in the circuit of Fig. P3.3 are mismatched, say, R Cy =Ry,
(1—¢). (a) Investigate the effect of the mismatch and iilustrate via the magnitude plot. (b)
Devise a method for balancing out the mismatch, and outline the calibration procedure.

3.6 Inserting a resistance R; in series with C in the low-pass filter of Fig. 3.9a turns itinto
a circuit known as a pole-zero circuit, which finds application in control. (a) Sketch the
modified circuit, and find its transfer function to justify its name. (b) Specify component

153

. Problems



154
CHAPTER 3

Active Filters:

Part |

values for a pole frequency of | kHz, a zero frequency of 10 kHz, and a dc gain of 0
dB; sketch its magnitude plot.

3.7 Inserting a resistance R in parallel with C in the high-pass filter of Fig 3.10a turns
it into a circuit known as a zero-pole circuit, which finds application in control.
(@) Sketch the modified circuit, and find its transfer function to justify its name. (b)
Specify component values for a zero frequency of 100 Hz, a pole frequency of | kHz,
and a high-frequency gain of 0 dB; sketch its magnitude plot.

3.8 Redrawthe phase shifier of Fig 3.12a, but with R and C interchanged with each other; de-
rive its transfer function and sketch its Bode plots. What is the main difference between
the responses of the original and the modified circuit? Name a possible disadvantage
of the modified circuit.

3.9 (a) Sketch the Bode plots of the circuit of Fig 3.12a if R; = 10R,. (b) Repeat, but with
Ri = 10R;.

3.10 Using two phase shifters with 0.1-uF capacitors, design a circuit that accepts a voltage
Ve = 1.204/2 cos(2m60r) V, and generates the voltages v, = 1.20+/2 cos(2r 601-120°)
V and v, = 1.20+/2cos(2r60¢ + 120°) V. Such a circuit simulates the voltages used
in three-phase power transmission systems, scaled to | /100 of their actual values.

3.11 In the noninverting amplifier of Fig. 1.7 let Ry = 2 k2 and R; = 18 k. Sketch and
label the magnitude Bode plot of its gain if the circuit contains also a 10-aF capacitance
in paralle] with R;.

3.12 Suppose the inverting amplifier of Fig. 1.11 has also a capacitance C, in parallel with R,
and a capacitance C; in parallel with R;. Derive its transfer function, sketch and label
the magnitude Bode plot, and specify suitable component values for a low-frequency
gain of 40 dB, a high-frequency gain of 0 dB, and so that the geometric mean of its
pole and zero frequencies ( f,, f;)'/? is 1 kHz.

3.13 Sketch and label the linearized magnitude Bode plot for the circuit of Fig. P3.3 if: (a)
R;C; = 1 ms and R C) = 0.1 ms. (b) Repeat, but with R,C; = 10ms.

3.14 In the wideband band-pass filter of Fig. 3. 1lalet Ry = Rz = Rand C, = (2 = C.
(a) Find the output v,(t) if the input is v;(t) = 1cos(t/RC) V. (b) Repeat, but for
vi{t) = Lcos(t/2RC) V. (c) Repeat, but for v;(t) = 1 cos(¢:/0.5RC) V.

3.15 The circuit of Fig. P3.15 is a capacitance multiplier. (@) Show that Cq = (1+R2/R))C.
(b) Using a 0.t-ptF capacitance, specify component values to simulate a variable ca-
pacitance from 0.1 uF to 100 uF by means of a I-MQ pot. Hint: In part (a), apply a
test voltage V, find the resulting current /, and obtain Ceq as 1 /sCeq = V/I.

R Lo}

Dl

FIGURE P3.15
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3.16 Thecircuitof Fig. P3.16is a capacitance simulator. (2) Show that Ceq = (R2R3/ R\ Ry)C.
(b) Using a 1-nF capacitance, specify component values to simulate a 1-mF capaci-
tance. List a possible application of such a large capacitance. Hint: See Problem 3.15.

FIGURE P3.16

3.3 Audio filter applications
3.17 Derive Egs. (3.32) and (3.33).

3.18 (a) Derive Egs. (3.34) and (3.35). (b) Specify component values to approximate the
NAB curve with a 30-dB gain at 1 kHz. Show the final circuit.

3.19 Using standard component values, design an octave equalizer with center frequencics
at approximately fo = 32 Hz, 64 Hz, 125 Hz, 250 Hz, 500 Hz, 1 kHz. 2 kHz. 4 kHz,
8 kHz, and 16 kHz. Show the final circuit.

3.4 Standard second-order responses

3.20 (a) By proper manipulation, put the wideband band-pass function of Eq. (3.29a) in the
standard form H (jw) = Hopp Hyp- (b) Show that no matter how you select wy and wy,
the @ of that filter can never exceed % This is why the filter is called wideband.

3.21 Construct the phase plots of Hyp, Hup, Hep. and Hy for O = 0.2, 1, and 10.
3.5 KRC filters

3.22 An alternative design procedure for the low-pass KRC filter of Fig. 3.23is R4 = Rs
and R;/R, = C;/C3 = Q. (a) Develop design equations for this option. (b) Hence,
use it to redesign the filter of Example 3.8.

3.23 Analternative design procedure for the low-pass KRC filter of Fig. 3.23 that allows us to
specify also Horp, Hop > 2VIV,isC =G = C. (a) Show that the design quauonzs
for this option are Ry = [1 + /1 +4Q%(Hop ~ D1/2e0,0C and Ry = 1/ R2CE.
{b) Use this option to redesign the filler of Example 3.8, but with Hocp = 10 VIV,

3.24 (a) Design a high-pass KRC filter with fo = 100 Hz and Q variable from 0.5 to 5 _by
means of a 100-k§2 potentiometer. (b) If the input is a 60-Hz, 5-V (rms) ac wave with
a dc component of 3 V, what comes out of the filter with the wiper at either extreme?

3.25 An alternative design procedure for the high-pass KRC filter of Fig. 3.27 that al'lows us
to specify also Hyyp, Houp > 1, is C) = C; = C. (a} Show that the design equations are
then R =[1 + \;l + 8Q%(Honp — N1/4woQC and Ry = 1/wiR(C2. (b) Use this op-
tionto implement a high-pass Butterworth response with Hoyp = 10 VIV and fo=1kHz.



3.26 An alternative design procedure for the band-pass KRC filter of Fig. 3.28 is Ry =Ry

3 and Cy = C; = C. Develop design equations for this option. Hence, use it to design a

IS band-pass filter with Hogp = 0dB, fy = |1 kHz, and Q = 5.

3.27 The low-pass filter of Fig. P3.27 is referred 10 as a —KRC filter (“minus” KRC filter)
because the op amp is operated as an inverting amplifier with a gain of - K. (@) Find
Hyp, o, and Q for the case ) = C; = Cand R = R, = Ry = Ry = R. (b) Design
a —KRC low-pass filter with fy = 2 kHz, Q = 5, and 0-dB dc gain.

FIGURE P3.27

3.28 The band-pass filter of Fig. P3.28 is referred to as a —KRC filter (“minus” KRC filter)
because the op amp is operated as an inverting amplifier with a gain of — K. (a) Find
Hypp. wy, and @ for the case Cy) = C2 = C and R, = R; = R. (b) Design a —KRC
band-pass filter with fu = 1 kHz, Q = 10, and unity-resonance gain.
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FIGURE P3.28

3.29 The notch filter of Fig. P3.29 allows Q tuning via the ratio R;/R,. (a) Show that
Vo/ Vi = Hy withay = 1/RC and Q@ = (1 + R,/ R;)/4. (b) Specify component values
for fo =60 Hz and Q = 25.

FIGURE P).29

3.6 Multiple-feedback filters 157
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. . Problems
An alternative design procedure for the multiple-feedback low-pass filter of Fig. 3.32 is

Ri = Rz = Ry = R. Find expressions for Hop, wg, and Q. Hence, develop the design
equations.

In the circuit of Fig. 3.33 let Ry = Ry = R, and Rs = K R. (a) Show that if Hygp =
—2 VIV, the circuit gives the all-pass response with gain — K. (b) Specify component
values for fy = 1 kHz, @ = 5, and a gain of 20 dB.

Show that the circuit of Fig. P3.32 realizes the all-pass function with Hpap = 1/3,
wy = V2/RC,and Q = 1//2.

FIGURE P3.32

The circuit of Fig P3.33, known as a Q multiplier, uses a summing amplifier OA; and
a band-pass stage OA; to increase the Q of the band-pass stage without changing wy.
This allows for high @s without unduly taxing GA;. (@) Show that the gain and Q of the
composite circuit are related 1o those of the basic band-pass stage as Q.onp = Q/1} -
(Rs/ Ra)\Hogel], and Hoppcompy = (Rs/R3)(Qcomp/ Q) Hope. (b) Specify component
values for fo = 3600 Hz, Qcomp = 60, and Hogp(comp) = 2 V/V, starting with 0 = 10.
Rl
TV

FIGURE P3.33

With reference to the multiple-feedback low-pass filter of Fig. 3.32, show that the circuit
.consisling of Ry, Ry, Cy, and the op amp acts as a resistance Req = R2|| Ry and an
inductance Leg = Ry R3Cy, both in parallel with C,. Hence, explain circuit operation
in terms of the above equivalence.

37 State-variable and biquad filters

33s

E:itably modify the filter of Example 3.18 so that Hygp =1 V/V. Show your final
Sign.
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3.36

337

3.38

3.39

340

(a) Derive Eqgs. (3.82a) and (3.825b). (b) Specify suitable component values to achieve
a band-pass response with f; = 594 Hz and fy = 606 Hz. (c) What is the dc gain of
the low-pass response?

The simplified state-variable filter of Fig. P3.37 provides the low-pass and band-pass
responses using only two op amps. (a) Show that Hogp = —n, Hyp = m/(m + 1),
Q = /n(l -+ 1/m), and wy = @/nRC. (b) Specify component values for a band-pass
response with fo = 2kHz and Q = 10. (¢) What is the resonance gain of your circuit?
What is the most serious drawback of this circuit?

FIGURE P3.37

Use the noninverting state-variable filter with an additional op amp adder to synthesize
the low-pass notch of Example 3.20. Hint: Obtain the notch response as Viy = Ay Ve +
Ay Vye, where A, and Ay are suitable coefficients.

Consider the dual-op-amp biquad obtained from the standard biquad of Fig. 3.36 by
replacing OA; and OA; with the Deboo integrator of Fig. 3.7. Find its responses; specify
component values for a low-pass response with fo = 10kHz, Q = 5,and Hy p = 0dB.

Using the state-variable filter, along with a fourth op amp adder, design an all-pass
circuit with f = 1 kHz and Q = 1. Hint: Apply Eq. (3.58).

3.8 Sensitivity

341

342

343

kX

2

Prove Eq. (3.92).

Show that any second-order KRC filter, in which K appears only in the s-term in the
denominator, has always SE >20 -1

An alternative design procedure for the multipte-feedback low-pass filter of Fig. 3.32 is
Ry = Ry = R; = R.(a) Find simplified expressions for w and Q. (b) Find the sensitivity
functions.

Calculate the sensitivities of the state-variable filter of Example 3.18.
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ACTIVE FILTERS: PART I
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Having studied first-order and second-order filters, we now turn to higher-order
filters, which are required when the cutoff characteristics of the lower-order types
are not sufficiently sharp to meet the demands of the given application. Among the
various methods of realizing higher-order active filters, the ones that have gained
prominence are the cascade design approach and the direct synthesis approach.
The cascade approach realizes the desired response by cascading second-order fil-
ter stages (and possibly a first-order stage) of the types studied in Chapter 3. The
direct approach uses active impedance converters, such as gyrators and frequency-
dependent negative resistances, to simulate a passive RLC filter prototype meeting
the given specifications.

Regardless of the complexity of their responses, the above filters, also known
as continuous-time filters, do not lend themselves to monolithic fabrication due to
the large sizes of the capacitances involved, and the stringent requirements on the
accuracy and stability of the RC products controlling characteristic frequencies. On
the other hand, today’s very large scale integration (VLSI) applications often call
for digital as well as analog functions on the same chip. To meet this requirement
in the area of filtering and other traditional analog areas, switched-capacitor tech-
niques have been developed, which use MOS op amps, capacitors, and switches, but

160

no resistors, to realize fairly stable filter functions—if over comparatively limited
frequency ranges.

Switched capacitor (SC) circuits belong to the category of sampled-data sys-
tems, where information is processed at discrete time intervals rather than contin-
uously. This generally limits their usage to voice-band applications, such as tone
coding/decoding (Codecs), speech processing, and audio spectrum analysis.

4.1
FILTER APPROXIMATIONS

If the signals to be rejected are very close in frequency to those that must be passed,
the cutoff characteristics of a second-order filter may not prove sufficiently sharp, so
a higher-order filter may be needed. Actual filters can only approximate the brick-
wall responses of Fig. 3.1. In general, the closer the desired approximation, the
higher the order of the filter.

The departure of a practical filter from its brick-wall mode! is visualized in
terms of a shaded area,’ as shown in Fig. 4.1a for the low-pass case. Introducing the
attenuation A(w) as

A(w) = —20logyq | H (jw)| 4.1)

we observe that the range of frequencies that are passed with little or no attenuation
defines the passhand. For a low-pass filter, this band extends from dc to some
frequency w,, called the curoff frequency. Gain is not necessarily constant within the
passband but is allowed a maximum variation Aqgax, such as Apax = 1 dB. Gain
may exhibit ripple within the passband, in which case Ay is called the maximum
passband ripple and the passband is called the ripple band. In this case w, represents
the frequency at which the response departs from the ripple band.

Past o, the magnitude drops off 10 the stopband, or the frequency region of
substantial attenuation. This band is specified in terms of some minimum allowable
attenuation, such as Api, = 60 dB. The frequency at which the stopband begins
is denoted as w;. The ratio w; /e is called the selectivity factor because it gives a
measure of the sharpness of the response. The frequency region between w, and ws
is called the transition band, or skirt. Certain filtler approximations maximize the
rate of descent within this band at the expense of ripples within the other bands,

|H| !
Amax Ames
14 X 1+ -—=-5-
Amin Apin
0 4 BT, o, . e
0 o, o 0 o, o,
(a) )

FIGURE 4.1
Magnitude limits for (a) the low-pass and () the high-pass responses.
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FIGURE 4.2

Magnitude limits for (a) the band-pass and (b) the band-reject responses.

The terminology developed for the low-pass case is readily extended to the high-
pass case depicted in Fig. 4.15, and to the band-pass and band-reject cases depicted
in Fig. 4.2,

As the order n of a transfer function is increased, additional parameters are
brought into play in the form of the higher-order polynomial coefficients. These co-
efficients provide the designer with additional freedom in specifying the frequency
profiles of magnitude or phase, thus allowing for an increased degree of optimiza-
tion. Among the various approximations, some have been found to be consistently
satisfactory to justify the tabulation of their coefficients in filter handbooks. These
include the Butterworth, Chebyshev, Cauer, and Bessel approximations.

Filter tables list the denominator polynomial coefficients of the various ap-
proximations for a cutoff frequency of 1 rad/s. As an example, the coefficients of
the fifth-order Butterworth response are? by = bs = 1, by = by = 3.236, and
by = 5.236, so

|
§3 + 3.2365% + 5.23653 4 5.23652 + 3.2365 + |

An alternative approach is to factor out H(s) into the product of terms of order < 2
and tabulate the coefficients of these terms instead. Expressed in this form, the above
function becomes

H(s) =

4.2)

|
x I xX l
524061805+ 1" s241.6180s+1 541

The design of a higher-order filter begins with the selection of the approximation
best suited to the given application, followed by the specification of &, ws, Amax,
and A i, The latter are then used as keys to filter handbooks or computer programs
to find the required order n. Once n is known, various alternatives are available to
the active-filter designer, the most popular ones being the cascade approach and
the RLC ladder simulation approach. The cascade approach realizes the desired
response by cascading lower-order stages of the type investigated in Chapter 3. The
ladder simulation approach utilizes active impedance converters, such as gyrators and
frequency-dependent negative resistors, to simulate a passive RLC filter prototype
meeting the desired specifications.

H(s) = (4.3)

Once an approach has been chosen, one must find the individual-stage values
of wp and Q (and possibly ;) in the case of cascade design, or the individual
values of R, L, and € in the case of ladder simulation. These data are again found
with the help of filter tables or computer programs, the latter being provided by op
amp manufacturers to promote the application of their products. One such program
is the FILDES program, written by National Semiconductor, which we shall use
extensively in our cascade design examples. This program can be downloaded from
the World Wide Web; please check our Web site at http://www.mhhe.com/franco, as
described in the preface.

Plotting H( jw) Using PSpice

The frequency behavior of a function H(s) can be visualized with PSpice using
voltage-controlled sources with values that are functions of s. Using the factored
form of H (s), we create acascade of VCVSs whose values are given by the individual
terms of H(s). Figure 4.3 shows the cascade for the function of Eq. (4.3). Scaling s
by 2 to obtain f. = | Hz, we write the file:

Sth-Order Butterworth low-pass response:
vi1l0 aclv

Ri101

K1 2 0 Laplace {V(1)} = {1/{1+(8/6.283)}*(8/6.203+0.6180)}}
R1 201

B2 3 0 Laplace (V(2)} = [1/(1+(#/6.263)*(8/6.283+1,618)}]
R2301

B3 4 0 Laplace {V(1)} = {1/({1+8/6.283)}

RI4L401

.ac dec 100 0.01Hz 100Rz

.probe ;Vdb(4)

.and

The magnitude plot is shown in Fig. 4.5 (page 166) along with the plots of the other
three response types, which are obtained by a similar procedure.

Butterworth Approximation

The gain of the Butterworth approximation is3

+
[H(jo) = —p————c= 4.4

vIi+ ez(a)/wc)z’t

where n is the order of the filter, w, is the cutoff frequency, and € is a constant

1 2 3 4
+
v R v, E, R
H\Y,

+ +
E, R2ew g Ry,
HyVy HyV,y -
FIGURE 4.3

PSpice circuit to find the frequency behavior of the function H(s) = Hi(s) x
H;(S) X H_](S).

L+
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that determines the maximum passband variation as Amax = Awe)=20x
logyg V1 + €2=10log,o(1 + €2). The first 2n — | derivatives of | H(jw)] are zero
at & =0, indicating a curve as flat as possible at w = 0. Aptly referred to as max-
imally flat, a Butterworth curve becomes somewhat rounded near w, and rolls off
al an ultimate rate of —20n dB/dec in the stopband. As shown in Fig. 4.4a for
€ =1, the higher the order n, then the closer the response is to the brick-wall
model.

EXAMPLE 4.1. Find n for a low-pass Butterworth response with f. =1 kHz, f, =
2kHz, Ay, =1 dB, and Ap, = 40dB.

Solution. Letting Ay, = A(w) =20log;o v1 + €2 =1 dB gives € = 0.5088. Letting
Alw,) = 10log,gl1 + €2(2/1?"] = 40 dB, we find that n =7 gives A(w,) =36.3 dBand
n =8 gives A(w,) =42.2 dB. For A, = 40 dB we thus selecin=8. ’

FIGURE 4.4
(a) Butterworth and (b) 1-dB Chebyshev responses.

Chebyshev Approximation

There are applications where sharp cutoff is more important than maximal flatness.
Chebyshev filters maximize the transition-band cutoff rate at the price of introducing
passband ripples, as shown in Fig. 4.4b. As a general rule, the higher Amgy, the
narrower the transition band for a given Aiq. The gain of an nth-order Chebyshev
approximation with cutoff frequency w, and Apax = 10logp(1 + €2) is3

1

|H(jw)l = “.5)
Vit €2CH(w/we)
where Cp(w/w,) is the Chebyshev polynomial of order a, defined as
Cnlw/we < 1) = cosfn cos ™ (w/w)] (4.6a)
Cnlw/w: = 1) = coshn cosh"l(w/w(-)] (4.6b)

We observe that C,z,(w/wc <)<l and C,z,(w/wc > 1) > 1. Moreover, within the
passband | H (jw)| exhibits peak values of | and valley values of 1/\/1 + €2 at the
frequencies that make the cosine term zero and unity, respectively. The number of
these peaks or valleys, including the one at the origin, is n.

Compared to the Butterworth approximation, which exhibits appreciable de-
parture from its dc value only at the upper end of the passband, the Chebyshev
approximation improves the transition-band characteristic by spreading its equal-
sized ripples throughout the passband. At dc, the decibel value of a Chebyshev
response is 0 if n is odd, and 0 — A5 if 1 is even. A Chebyshey filter can achieve
a given transition-band cutoff rate with a lower order than a Butterworth filter, thus
reducing circuit complexity and cost. Past the transition band, however, the Cheby-
shev response rolls off at an ultimate rate of —20n dB/dec, just like a Butterworth
response of the same order.

Cauer Approximation ‘

Cauer filters, also called elliptic filters, carry the Chebyshev approach one step further
by trading ripples in both the passband and the stopband for an even sharper charac-
teristic in the transition band. Consequently, they can provide a given transition-band
cutoff rate with an even lower order n than Chebysheyv filters. The idea is to follow an
existing low-pass response with a notch just above w, to further sharpen the response.
To be effective, the notch must be narrow, indicating that the curve will come back up
just past this notch. At this point another notch is created to press the curve back down,
and the process is repeated until the overall profile within the stopband is pushed be-
low the level specified by Amin. The various approximations are compared in Fig. 4.5
forn = 5 and Amax = 3 dB. Shown at the top is an expanded view of the passband.

Bessel Approximation

l_n general, filters imtroduce a frequency-dependent phase shift. If this shift varies
linearly with frequency, its effect is simply to delay the signal by a constant amount.
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FIGURE 4.5 )
Comparison of fifth-order 3-dB responses.

However, if phase varies nonlinearly, different input frequency components will
experience different delays, so nonsinusoidal signals may experience significant
phase distortion in propagating through the filter. In general, the steeper the transition-
band magnitude characteristic, the higher the distortion. !

Bessel filters, also called Thomson filters, maximize the passband delay just as
Butterworth filters maximize the passband magnitude. The result is a nearly linear
phase characteristic within the passband, if at the price of a less sharp magnitude
characteristic in the transition band. Figure 4.6 shows that a pulse emerges fairly
undistorted from a Bessel filter, but exhibits appreciable overshoot and ringing when
processed with a Chebyshey filter, whose phase response is less linear than Bessel’s.

4.2
CASCADE DESIGN

This approach is based on the factorization of a transfer function H(s) into the
product of lower-order terms. If the order n is even, the decomposition consists of
n/2 second-order terms,

H(s) = H\(s) x Hy(s) x --- x Hys2(s) 4.7

If n is odd, the factorization includes also a first-order term. Sometimes this term
is combined with one of the second-order terms to create a third-order filter stage.
The first-order term, if any, can be implemented with a plain RC or CR network,
so all we need to know is its required frequency wg. The second-order terms can be
implemented with any of the filters of Sections 3.5 through 3.7. For each of these
stages we need to know wq and Q, and w; if the stage is a notch stage. As mentioned,
these data are tabulated in filter handbooks> or can be calculated by computer.?
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FIGURE 4.6
Phase and pulse responses of the fourth-order Bessel and 1 -dB Chebyshev
filters.

The cascade approach offers a number of advantages. The design of each sec-
tion is relatively simple, and the component c&unt is usually low. The low-output
impedance of the individual sections eliminates interstage loading, so each section
can be regarded as isolated from the others and can be tuned independently, if
needed. The inherent modularity of this approach is also attractive from the eco-
nomic standpoint, since one can use a few standardized blocks to design a variety
of more complex filters.

Mathematically, the order in which the various sections are cascaded is irrele-
vant, In practice, to avoid loss of dynamic range and filter accuracy due to possible
signal clipping in the high-Q sections, the sections are cascaded in order of ascend-
ing Qs, with the low-Q stages first in the signal path. This ordering, however, does
not take into account internal noise, which may be of concern in the high-Q stages,
where any noise component falling under the resonance peak may be amplified



significantly. So, to minimize noise, high-Q stages should go first in the cascade. In 169
general, the optimum ordering depends on the input spectrum, the filter type, and TABLE 4.1 SECTION 4.2
the noise characteristics of its components. Examples of norma (1 Hz) low-pass filter tables Cascade Design
Butterworth low-pass filter
Low-Pass Filter Design s fu @& fao 0 Jfo 0 fu Qs Jis Qs An@Batl
) 2 1 0707 1 12.30
Table 4.1 gives examples of tabulated data for cascade design. Butterworth and Bessel 3 1000 18.13
data are tabulated for different values of n, Chebyshev data for different values of n 4 1 0541 1 1306 2418
and Amax (shown in the table are the data for Agax = 0.1 dB and Apex = 1.0dB), 5 1 0618 1 1620 1 o ;g:;
and Cauer data (not shown in the table) for different values of n, Amax, and Apgin. - f” : gg;g : g;g; : ;'2 4_2, . 014
Frequency data are expressed in nqrmalized form.fm: a cut(_)ff frequency of | Hz. In 8 1 0510 | 060 1 090 | 2563 4516
the Butterworth and Bessel cases this frequency coincides with the —3-dB frequency, 9 I 0532 1| 0653 1 1000 1 2879 i 54.19
while in the Chebyshev and Cauer cases it represents the frequency at which gain 10 1 056 1 0561 1 0707 1 L1001 1 3196 6021

departs from the ripple band. To convert from normalized to actual frequencies, we Bessel low-pass filter
simply multiply the tabulated values by the cutoff frequency f. of the filter being

designed, or n  fa 4 Joz o Jo3 [14) Joa Q4 Jos Qs
2 1.274  0.577
fo = foqabley X fe (4.8a) 3 1453 0691 13277
4 1419 0.522 1.591 0.806
In the case of Cauer filters, the tables include not only pole frequencies but also zero } 5 1561 0564 1760 0917 1507
frequencies. The latter are converted as 6 1606 0510 1691 0611 1907 1023
7 1719 0533 1.824  0.661 2.051 1.127 1.685
= Y (4.8b) 8 1.784  0.506 1.838  0.560 1958 0.71} 2.196 1.226
fo = Jatuable) x fe 9 1880 0520 1949 0589 2081 0760 2324 1322 1858
A common application of low-pass filters is in connection with analog-to-digital 10 1949 0504 1987 03538 2068 0620 2211 0810 2485 1415
(A-D) and digial-to-analog (D-A) conversion. By the well-known sampling theo- 0.10-dB ripple Chebyshev low-pass filter

rem, the input signal to an A-D converter must be band limited to less than half
the sampling frequency in order to avoid aliasing. Likewise, the output signal of a
D-A converter must be properly smoothed in order to avoid the effects of discrete
quantization and time sampling. Both tasks are accomplished with sharp low-pass

fn G S G o @ Sfu QU  fis 05 AudBat2f

1.820 0.767 33
1300 1341 0969 12.24
1.153 2183 0.789 0.619 23.43

SN MEwWwN|S
—_

filters designed to provide adequate attenuation at half the sampling frequency. 1093 3282 0797 0915 0539 ° 34.85
L 4633 0.834 1332 0513 0.599 46.29
EXAMPLE 42. The output of a D-A converter with a sampling rate of 40 kHz is to be 1045 6233 0868 1.847 0575 0846 0377 5112
smoothed with a sixth-order 1.0-dB Chebyshev low-pass filter providing an attenuation 1034 8082 0894 2453 0645 1183 0382 0.593 . 69.16
of 40 dB at half the sampling frequency, or 20 kHz. This attenuation requirement is met :gg; :g;;g gg;g 3‘;4f 0';25 ;‘585 0449 0822 0.290 80.60 -
by letting f, = 13.0 kHz. (a) Design such a filter (b) Verify with PSpice.  _ : 322 0728 3921 0754 204 0524 1127 0304 03% 9204
£ 2 1.00-dB ripple Chebyshev low-pass filter
Solution. nf, Q J? 0 fe Att (dB
(a) From Table 4.1 we find that a 1.0-dB Chebyshev filter with n =6 requires three - - = : o O Ju & fe 0 s
second-order stages with 2 100 0937 1136
3 0997 2018 0494 22.46
for =0.995f, = 129 kHz Q) =8.00 4 0993 13559 0529 0.785 3387
5 0994 5556 0655 1.399 0.289 4531
Sz =0.747f, =9.71 kHz 0, =220 - g 3995 8.004 0747 2.198 0.353 0.761 56.74
.996 10899 0808 3.156 0480 1.297 0.205 68.18
Jis=0353f.=459kHz (3 =0.761 8 0997 14240 0851 4266 0584 1956 0265 0753 79.62
Use three unity-gain Sallen-Key sections and cascade them in order of ascending Qs. 190 0998 18.02% 0881 5527 0662 2713 0377 1260 0.159 91.06
0998 22263 0902 6937 0721 3561 0476 1864 0212 0.749 102.50

Retracing the design steps of Example 3.10, we find the component values shown
in Fig. 4.7, where the resistances have been rounded off o the nearest 1% standard
values,
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FIGURE 4.7
Sixth-order |-dB Chebyshev low-pass filter.
(b) Using the node numbering shown, we write the circuit file:
@ Cascade Design:
vi 10 ac 1V
- R1 1 2 10.69k
R2 2 3 10.03k
cl 24 5.1op
€230 2.20r
BOAL 4 0 3 4,10
R3 4 5 9.191k
R4 § 6 6.434k
C3 57 10nr
C4 6 0 5i0pP
EBOA2 7 0 € 7 1G
RS 7 8 4.554k
R6 B 9 2.438k
CS 8 10 62nF
Cé 9 0 220pF

BOAY 10 0 9 10 16

.ac dec 100 1kHz 100kHz
.probe

.end

Figure 4.8 shows the overall response as well as the individual-stage responses.
It is interesting to observe how the latter combine to create the ripple and cutoff
characteristics of the overall response.

rdstege

cmmmmmrrrmmmnnd

0
! 2nd stege
.. 1st stege
-404
é Oversl! response
H B
'
H
: .
B IOl TEPRPPTLE LD H
1.0xH:2 10KM2 100KHz
© @ (V(A)/V(1)) ¢ dIV(TI/V(4)) a db(V(10)/V(T)) * d(¥(10)/¥(1))
Frequency

FIGURE 4.8
Overall as weli as individual-stage responses of the filter of Fig. 4.7.

EXAMPLE 43. Design a Cauer low-pass filter with f, = 1 kHz, f; = 1.3 kHz, Apuy =
0.1 dB, A,i» = 40 dB, and dc gain Hy = 0 dB.

Solution. Using the aforementioned filter design program FILDES (check our Web
site for informatior on how to download this program), we find that a sixth-order im-
plementation is required, with the following individual-stage parameters:

for = 648.8 Hz fo =4130.2 Hz Q) = 0.625
fuz = 916.5Hz faa

It

1664.3 He Qz = 1.789
for=10413Hz  f3=13290Hz (, =173880

Moreover, the program indicates that the actual attenuation at 1.3 kHz is 47 dB, and the
—3-dB frequency is 1.055 kHz.

We shall implement the filter with three low-pass notch sections of the biquad type
of Fig. 3.37. Using Eq. (3.89) and retracing the steps of Example 3.20, we find the
component values shown in Fig. 4.9, where the resistances have been rounded off to
the nearest 1% standard values. The entire filter can be built with three quad-op-amp
packages.

High-Pass Filter Design

Owing to the fact that a high-pass transfer function can be obtained from a low-pass
function via the substitution s/wg — 1/(s/wp), the normalized frequency data of
Table 4.1 can also be used in the cascade design of high-pass filters, provided actual
frequencies are obtained from tabulated frequencies as

Jo = fe/foqable) (4.9q)

fi= fc/fz(lablc) (4.9b)
where f. is the cutoff frequency of the filter being designed.

EXAMPLE 44. Design a third-order, 0.1-dB Chebyshev high-pass filter with f. =
100 Hz and high-frequency gain Hy =20 dB.

Solution. Table 4.1 indicates that we need a second-order high-pass section with
for=100/1.300=76.92 Hz and @ = 1.341, and a first-order high-pass section with
fo2=100/0.969 = t03.2 Hz. As shown in Fig. 4.10, we implement the filter with a
second-order unity-gain Sallen-Key high-pass stage, followed by a first-order high-pass
stage with a high-frequency gain of 10 V/V.

Band-Pass Filter Design

EXAMPLE45. Designa Butterworth band-pass filter with ceniter frequency fo = 1 kHz,
BW = 100 Hz, A(fy/2) = A(2 f) > 60 dB, and resonance gain Ho = 0 dB.

Solution. Using the aforementioned FILDES program, we find that the given spec-
ifications can be met with a sixth-order filter having the following individual-stage
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FIGURE 4.9
Sixth-order 0.1/40-dB elliptic low-pass filter.
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FIGURE 4.10
Third-order 0.1-dB Chebyshev high-pass filter of Example 4 4.

paramcters:
fo =957.6Hz g, =20.02
fo = 10443 Hz Oy =20.02
fo3 = 1000O0Hz Q3= 100

Furthermore, the actual attenuation at 500 Hz and 2 kHz is 70.5 dB, and the midband gain
is — 12 dB, that is, 0.25 V/V. Toraise it to 0 dB we shall impose Hygp) = Hygp2 = 2 V/V,
and H()Bp] =1V/V.

We shall implement the filter with three multiple-feedback band-pass sections
equipped with input resistance attenuators. Retracing the steps of Example 3.15 we
find the components of Fig. 4.11, where the resistances have been rounded off to 1%
standard values, and the second leg of each attenuator has been made variable for tuning
purposes. To tune a given section, apply an ac input at the desired resonance frequency
of that section, and adjust its pot until the Lissajous figure changes from an ellipse to a
straight segment.

EXAMPLE 46. Design an elliptic band-pass filter with fy=1 kHz, passband=
200 Hz, stopband = 500 Hz, Ay, = 1 dB, Apiq = 40 dB, and Hy = 20 dB.

Solution. The abovementioned FILDES program indicates that we need a sixth-order
filter with the following individual-stage parameters:

fu=97T1M4H  f,=75436Hz Q, =21.97

S = 1102.36 Hz fa =13256Hz Q2 =12197

So3 = 1000.0 Hz Q1 =9.587
10 nF 10 nF 10 nF

665 k2
I158%Q | 10nF 10 nF 10 nF

oV,
698 3 320 365 Q

1002

FIGURE 4.1}
Sixth-order Butterworth band-pass filter.
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Moreover, the actual attenuation at the stopband edges is 41 dB, and the midband gain is
18.2 dB. We shall implement the filter with a high-pass notch biquad stage, a low-pass
notch biquad stage, and a multiple-feedback band-pass stage. To bolster the midband
gain from 18.2 dB to 20 dB we impose Hogps = 1.23 V/V, and to simplify inventory we
use 10-nF capacitances throughout.

Using Eq. (3.89) we find, for the high-pass notch, R = 1/(2r x 907.14 x 1078) =
17.54kQ. Ry = 21.97x 17.54 = 385.4kQ2, R; = Ry = 100kE2, Ry = (100/21.97)907.
142/{907.142 —754.36) = 14.755k<2, and Rs = 100kS2. Proceeding in like manner for
the other two sections, we end up with the circuit of Fig. 4.12, where the resistances have
been rounded off to 1% standard values, and provisions have been made for frequency
and @ tuning.

5k
A IL\S G
332kQ 100k 147K
"_ﬁM_.__W_
t 4
383k 10 nF 174k 10nF 100kQ  100kS)
— ————

100 k02 umsj ] 1 mnnj
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267k 100 kQ

10 nF 14.3k82 10 nF 100 k2 100 k2 L

"W—
ol

69.8 kQ 10 nF
— 0
309 kQ
124 k§2 10 nF @ -
N ) g 0
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o
1320 20 .
000 ) M
0.5 1 2
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FIGURE 4.12
Sixth-order 1.0/40-dB elliptic band-pass fijter.

Band-Reject Filter Design

EXAMPLE 47. A 0.1-dB Chebyshev band-reject filter is to be designed with notch
frequency f, = 3600 Hz, passband = 400 Hz, stopband = 60 Hz, A, = 0.1 dB, and
Apin = 40 dB. The circuit must have provision for frequency tuning of its individual
stages.

Solution. The aforementioned FILDES program indicates that we need a sixth-order
filter with the following individual-stage parameters:

fo =3460.05Hz £, =3600Hz @, =314
Jor = 3745.0 Hz f2=3600Hz (=314
fo3 = 3600.0 Hz fa3=3600Hz (Qy=8.72

Moreover, the actual stopband attenuation is 45 dB. This filter is readily designed using
three biquad sections, namely, a high-pass notch, followed by a low-pass notch, followed
by a symmetric notch (see Problem 4.13).

4.3
GENERALIZED IMPEDANCE CONVERTERS

Impedance converters are active RC circuits designed to simulate frequency-
dependent elements such as inductances for use in active filter synthesis. Among the
various configurations, one that has gained prominence is the generalized impedance
converter (GIC) of Fig. 4.13, which can be used not only to simulate inductances,
but also to synthesize frequency-dependent resistances.

To find the equivalent impedance Z seen looking into node A, we apply a test
voltage V as in Fig. 4.14, we find the resulting current /, and then let Z = V/I.

FIGURE 4.13
Generalized impedance converter (GIC).

LA [ 1 -
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FIGURE 4.14
Finding the equivalent impedance
of a GIC toward ground.

Exploiting the fact that each op amp keeps V,, = Vp, we have labeled the voltages
at the input nodes of both op amps as V. By Ohm’s law, we have

_v-v

=7

Summing currents at the node common to Z7 and Z; and at the node common to
Z4 and Z5 we obtain, respectively,

I

Vi—-V Va—-V V-V 0-V
2 2 "0 214 =0
Zy Z, Zs Zs
Eliminating ¥} and V5, and solving for the ratio Z = V /I, we get
. Zz
z =482 (4.10)
2224

Depending on the type of components we use for Z; through Zs, we can configure
the circuit for various impedance types. The most interesting and useful ones are as
follows:

1. All Zs are resistances, except Z, (or Z4), which is a capacitance. Letting Z; =
1/jwCy in Eq. (4.10) gives

R\ R3Rs ,
= ————— = jwlL 4.11a)
(\/jwCRs (
RyR3RsC:
L= AT352 (4.11b)

Ry

(a) (b)

FIGURE 4.15
(a) Inductance simulator and (b) D-element realization.

indicating that the circuit simulates a grounded inductance. This is depicted in
Fig. 4.15a. If desired, this inductance can be adjusted by varying one of the
resistances, say, Rs.

2. All Zs are resistances, except for Z| and Zs, which are capacitances. Letting

Z) =1/jwC) and Zs = 1/jwCs in Eq. (4.10) gives

_ (1joC)R3(1/jwCs) |
- k2R4 T T WD
_ RaR4CCs

= T

Z (4.12a)

D (4.12b)

The circuit now simulates a grounded frequency-dependent negative resistance
(grounded FDNR). Since a capacitance produces a voltage proportional to the
integral of the current, the FDNR (or D element, as it is often called) can be
viewed as an element that integrates current twice, Its GIC realization and circuit
symbol are shown in Fig. 4.15b, and its application will be illustrated shortly.
The D element can be adjusted by varying one of the resistances.

Figure 4.16 shows another popular realization of the D element (see Problem
4.17). Needless to say, the simulated impedances can be no better than the resis-
tances, capacitances, and op amps utilized in their simulation. For good results,
use meral-film resistors and NPO ceramic capacitors for temperature stability and
7 5+ e capacitors for high-Q performance. And use a dual op amp with
sufficientiy fasi dynamics (see Section 6.5).
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FIGURE 4.16
Alternative D-element realization.

Synthesis Using Grounded Inductances

A popuiar GIC application is the realization of inductorless filters starting from pas-
sive RLC filter prototypes. To this end we first design an RLC filter meeting the given
specifications, then we replace its inductances with synthetic inductances realized
with GICs. Note, however, that this direct one-to-one replacement is applicable only
if the inductances in the prototype are of the grounded type.

A classic example is offered by the band-pass prototype of Fig. 4.17a. This is
a band-pass filter because low-frequency signals are shunted by L, high-frequency
signais are shunted by C, and intermediate-frequency signals are passed because
of resonance. Once the filter specifications are known, we first find a set of RLC
values meeting the specification, then we replace the original inductance with a
GIC inductance simulator to end up with a circuit containing only resistances and
capacitances. The result is the dual-amplifier band-pass (DABP) filter of Fig. 4.17b.

EXAMPLE 438. In the circuits of Fig. 4.17 specify component values for a band-pass
response with fy = 2kHz and Q@ = 25.

Solution. The RLC prototype gives V,/Vi={(ZcWZ )/ (R+Zc 1 Z1), Z¢c =
1/(jwC), Z; = jwl. Expanding and collecting gives V,,/V; = Hgp, with

wm=1/VLC Q=R\/C/L

Choose C = 10nFsothat L = 1/27 f0)*C = 1/[(2m x 2% 10*)? x 1078] = 0.633 H,
and R = @//C/L = 199 kS2 (use 200 k2, 1%).

Nexl. specify the components for the GIC. To simplify inventory, use equal capaci-
tances and equal resistances. Thus, C; = C = 10nF. By Eq. (4.115), Ry = Ry = Ry =
Rs = JL/C; = /0.633/107% = 7.96 kQ (use 7.87 kQ, 1%).

oV,

»—o(I+R' v
R 7

(@) 1))

FIGURE 4.17
(a) Passive band-pass filter prototype and (b) active realization using an inductance simuiator.

We observe that the node designated as V,, in Fig. 4.17b is prone to external
loading. This can be avoided by using the response from the low-impedance output
of OA>, where it is available with a gain of 1 + R4/ R5. With equal resistances, this
gain is 2 V/ V. If unity gain is desired, replace R with a voltage divider, in the manner
of Example 3.9. '

Using L as given in Eq. (4.11b), we have wy = /R4/R)R3RsC2C and Q =
RJR4C/R{R3R5C3, so the sensitivities are
s‘;;*:sg’g:s‘;,’f;=—s‘;;;=s“’g=s‘“°=—l/2

[}
sg=1 sL=58=s58=-5=58=-58=-112

These fairly low values are typical of filters based on the ladder simulation approach.
If the circuit is implemented with C2 = C and Rs = Ry = Ry = R;,thenwg=1/RC
and Q = R/R;. This resistance spread compares quite favorably with that of the
multiple-feedback band-pass filter, which is 4Q% Moreover, the DABP filter is easily
tuned since R; {or R3) adjusts wy, and R adjusts Q. Even though the circuit uses
two op amps instead of one, it has been proved® that if their open-loop frequency
characteristics are matched, as is usually the case with dual packages, the op amps
tend to compensate for each other’s deficiencies, resulting in fairly small deviations
of @ and wy from their design values. Owing to these advantages, the DABP filter
is a highly recommended configuration.

Synthesis Using FDNRs

As an example of active filter synthesis using FDNRs, consider the RLC filter of
Fig. 4.184. Low-frequency signals make L a short circuit and C an open, so these
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FIGURE 4.18
Low-pass RLC filter prototype and its CRD equivalent.

signals are passed. High-frequency signals make L an open and C a short, so they
are rejected twice, indicating a second-order low-pass response. Since L is not a
grounded inductance, we cannot replace it with a simulated one. This obstacle is
avoided by the artifice® of dividing each element value in the original network by
Jw. This ransforms resistances into capacitances, inductances into resistances, and
capacitances into D elements as

R
— = i (capacitance of value R7YH (4.13a)
jo JoR~
!t_u—L = L (resistance of value L) (4.13b)
jw

1/jwC 1

/{w - - (D element of value C) (4.13¢)

jow w*C

The transformed network is shown in Fig. 4.18b. It can be proven3 that dividing
all the impedances of a network by the same factor yields a modified network with
the same transfer function as the original one. Consequently, the modified circuit
of Fig. 4.18b not only retains the original response, but is also realizable with a
GIC since the transformation has eliminated the floating inductance while creating
a grounded D element, which is amenable to GIC simulation.

-

EXAMPLE 49. Using the RLC circuit of Fig. 4.184 as a prototype, design a GIC
low-pass filter with fo = 1 kHz and @ = 5.

Solution. The transformed circuit of Fig 4.18b gives, by the voltage divider for-
mula, V,/ Vi = (= 1/0*C) /(1 }joR "+ L = 1/’ C) = |/(1 =&’ LC + jwRC) = Hp,
where

w=INLE Q=+/L/CIR

Let the capacitance denoted as R~' be 100 nE. Since Quwy = 1/RC, the value of the
D element is R™'/Qay = (100 x 107%)/(5 x 2z x 10°) = 10~"Y/x s/ Q. Finally,
the resistance denoted as L is 1/ofC = 1/[(2r x 10°)? x 107" /] = 7.958 kQ (use
8.06 k2, 1%).

0.1uF 8.00 kQ2
I_A oV,
Vi
1 MQ
31.6kQ
.I 10 nF
FIGURE 4.19

Low-pass filter using an FDNR.

Next, specify the components of the GIC, using equal components to simplify
inventory. Let Cj = C; = l0nF. By Eq. (4.12b), Ry = Ry= Ry = D/ C2Cs = (107" f)/
(10782 =31.83 k2 (use 31.6 k2, 1%). The circuit is shown in Fig. 4.19.

Remark. In order to provide a dc path for the tiny inverting-input bias current of OA,, a
resistive termination is required. This is performed by the 1-MS resistance, whose large
value will have little effect on filter performance over the frequency range of interest.
A good choice for the op amps is a FET-input dual op amp. To avoid output loading, a
buffer can be used.

44
DIRECT DESIGN

The interstage isolation properties of cascaded filters, while desirable from the view-
point of modularity, render the overall response particularly sensitive to individual-
stage parameter variations stemming from tolerance, thermal drift, and aging. Of
special concern are the high-Q stages, where even a small component variation in
a single stage may drastically alter the response of the entire cascade. On the other
hand, it has long been recognized that RLC filters of the doubly terminated ladder
type enjoy the lowest sensitivities to component variations. The ladder structure is a
tightly coupled system in which sensitivity is spread out over its elements as a group
rather than being confined to specific ones. Sensitivity considerations, together with
the wealth of knowledge available in the area of passive RLC network synthesis,
provide the motivation for the ladder simulation approach.

The starting point is a passive RLC ladder prototype, which is designed using
Suitable filter tables or computer programs. The filter is then realized in active form
by replacing its inductors with simulated ones, that is, with active circuits specifically
designed to simulate inductance behavior. The resulting active network retains the
low-sensitivity advantages of its RLC prototype, a feature that makes it suited to
applications with stringent specifications.
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FIGURE 4.20
Doubly terminated series-resonant RLC ladder.

Figure 4.20 shows the general form of a doubly terminated, series-resonant
RLC ladder, one of the most frequently used RLC prototypes in active filter synthe-
sis. Physically, its behavior is explained as follows. At low frequencies, where the
inductances act as shorts and the capacitances as opens, the ladder provides a direct
signal path from input to output. Low-frequency signals are thus passed, and the dc
gainis R/(R+ R) = 1/2V/V.

At high frequencies, where the capacitances act as shorts, the ladder becomes
predominantly inductive and, as such, it presents considerable impedance to signal
propagation. Thus, high-frequency signals are attenuated.

At intermediate frequencies, due to the series resonance of the LC elements in
each leg, the response exhibits a series of notches, one for each leg. Consequently, the
ladder provides a low-pass response with notches, or an elliptic low-pass response.
The order n of the response is twice the number of legs plus 1, that is, n is odd. If the
rightmost inductance is eliminated, then r is decreased by 1 and becomes even. Sup-
pressing the inductances in the ladder legs eliminates the resonances and therefore
the stopband notches. This reduced ladder version, referred to as all-pole ladder, can
then be used to synthesize the Butterworth, Chebyshev, or Bessel responses.

The individual element values are tabulated in filter handbooks or can be cal-
culated by computer.® Table 4.2 shows an example of tabulated data. Element values
are normalized for a cutoff frequency of 1 rad/s and 1 £2; however, they are readily
adapted to actual frequencies by dividing all reactive elements by the desired cutoff
frequency w, of the filter.

Low-Pass Filter Design

As is, the ladder of Fig. 4.20 is not amenable to GIC simulation because it contains
floating inductances. This obstacle is overcome by applying the 1 /jw transformation
discussed in Section 4.3, after which the resistances are changed to capacitances, the
inductances to resistances, and the capacitances to D elements. The resulting CRD
structure is then simulated with grounded FDNRs.

In addition to applying the 1/jw transformation, we must also frequency-
scale the normalized ladder elements to achieve the desired cutoff frequency, and
impedance-scale the resulting elements to obtain practical values in the final circuit.
The three steps can be carried out at once via the following transformations:3

Chew = l/sznld (4-]4“)
Rjnewy = tkz/wc)L j(oldy (4.14b)
Dj(newy = (1/kz0c)C jold) (4.14¢c)

TABLE 4.2
Element values for doubly terminated Butterworth and Chebyshev low-pass filters

Butterworth low-pass element values (1-rad/s bandwidth)

n L C; Ly Cq Ls Ce Ly Cy Ly Cio
2 1414 1.414
3 1000 2.000 1.000
4 0.7654 1.848 1.848 0.7654
5 06180 1618 2000 1618 0.6180
6 05176 1414 1932 1932 1414 05176
7 04450 1247 1.802 2000 1802 1247 04450
8 03902 111 1.663 1.962 1.962 1.663 Ll 0.3902
9 03473 1.000 1.532 1879  2.000 1.879 1.532 1.000 0.3473
10 03129 09080 1414 1.782 1.975 1.975 1.782 1414 09080 0.3129
Chebyshev low-pass element values (1-rad/s bandwidth) -
n Ly Cy La Cq Ls C¢ Ly Cs Rz
0.1-dB ripple
2 084304 0.62201 0.73781
3 103156 1.14740 1.03156 1.00000
4 110879 130618 1.77035 031807 0.73781
5 1.1468F 137121 197500 1.37121 1.14681 1.00000
6 1.46811 140397 205621 151709 1.90280 0.86184 0.73781
7 118118 142281 209667 1.57340 2.09667 142281 1.18118 1.00000
8 1.18975 143465 211990 1.60101 2.16995 1.58408 1.94447 (87781 0.73781
0.5-dB ripple
3 15963 1.0967  1.5963 1.0000
5 17058 1.2296 25408 12296 1.7038 1.0000
7 17373 1.2582 246383  1.3443 26383  1.2582 1.7373 ' 1.0000
1.0-dB ripple
320236 09941 20236 1.0000
5 21349 1.0911 3.0009 1.0911 2.1349 1.0000
7  2.1666 1.1HS5  3.0936 1.1735  3.0936 11115  2.1666 1.0000
where j = 1,2, ..., n. Here the element values of the RLC prototype are referred

0 as old, those of the transformed RCD neiwork as new, o is the desired cutoff
frequency, and k; is an appropriate impedance-scaling factor to be chosen on the
basis of the desired impedance levels in the final circuit.

EXAMPLE 4.10. Figure 4.2 (lop) shows a ladder prototype suitable for the GIC real-
tzation of a sharp-cutoff smoothing filter for audic D/A converters.® The ladder provides
a seventh-order Cauer low-pass response with Amex =0.28 dB and Anin =6{ dB at
£+ =1.252f,. Design an FDNR implementation with f. = 15 kHz.

Solution. First convent the normalized RLC prototype to a CRD network. Let us ar-
bitrarily decide to use |-nF capacitances throughout. Since the 1-Q resistances must
change to 1-nF capacitances, Eq. (4.14a) gives k, = 1/107% = 10°,

By Eq. (4.14b), Rigew) = Ly X 10°/(21 x 15 x 10°)=1.367 x 10,610=
14.5 k2, and Ragpewy =0.1449 x 10,610 = 1.54 kS2: by Eq. (4.14¢), Dygnew) = Caord/
(10° x 21 x 15 x 10%) = 1.207 x 1.061 x 107" = 1.281 x 107'* 52/ Q. Applying
similar transformations to the other elements, we end up with the CRD network of
Fig. 4.21 (center).
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FIGURE 4.21

Seventh-order 0.28/60-dB elliptic low-pass filter. Top: normalized RLC prototype; center:
CRD equivalent, with D-element values in square seconds per ohm; and bottom: active
realization using FDNRs.

Finally, we find the elements in the FDNRs. Let us use the FDNRs of Fig. 4.16 with
Rs = Rs = 10 k2. Then, Eq. (4.12b) gives, for the leftmost FDNR, R, = D/C? =
1.281 x 107/(107%)2 = 12.81 k£ (use 12.7 k2, 1%). We similarly calculate the
remaining FDNRs and end up with the realization of Fig. 4.21 (bottom), where the
resistances have been rounded off to 1% standard values.

Note again the use of the |-MS resistance at the input end to provide a dc path for
the op amps. To ensure a dc gain of % V/V, this resistance must be counterbalanced by a
1.061-MS resistance at the output. To avoid loading problems, an output buffer is used.
The FDNRs can be implemented with dual FET-input op amps. I desired, each FDNR
can be tuned by adjusting one of its resistances.

High-Pass Filter Design

The ladder network of Fig. 4.20, though of the low-pass type, can also serve as
prototype for high-pass filters provided we replace the inductances with capacitances,
the capacitances with inductances, and use reciprocal element values to maintain
frequency normalization at 1 rad/s. The transformed network provides a response
with characteristics reciprocal to the original one, that is, a Cauer high-pass response
with a cutoff frequency of 1 rad/s and with notches located at reciprocal positions of
the low-pass prototype. Suppressing the capacitances in the legs of the transformed
ladder eliminates the stopband notches. This reduced ladder can then be used to
synthesize the Butterworth, Chebyshev, or Bessel responses.

In either case, the inductances of the transformed ladder are of the grounded
type and as such can be simulated with GICs. Afier the low-pass to high-pass trans-
formation, the elements must be frequency-scaled to the desired cutoft frequency
and impedance-scaled to practical impedance levels. The three steps can be carried
out at once via the following transformations:3

Ruew = kz/Roid (4.15q)
Cimewy = 1/(kzwel jolg)) (4.15b)
L jnewy = kz/(0:C j(o1ay) 4.15¢)

where the meaning of the notation is similar to Eq. (4.14).

EXAMPLE 411. Design an elliptic high-pass filter with f, = 300 Hz, f, = 150 Hz,
Amax = 0.1 dB, and A, = 40 dB.

Solution, Using standard filter tables’ or filter-design computer programs,” it is found
that the specifications can be met with a fifth-order filter whose low-pass prototype has
the element values of Fig. 4.22 (top). The actual atienuation at the edge of the stopband
is A(f;) =43.4dB.

Let us arbitrarily impose Ruew =100 k2, s0 k., = 10%, by Eq. (4.15a). Using
Eq. (4.15b), Cyinemy = 1/(10° x 27 x 300 x 1.02789) =5.161 nF. Using Eq. {4.15¢),
Lanewy = 103 /(2 % 300 % 1.21517) =43.658 H. Applying similar transformations to
the other elements we end up with the high-pass ladder of Fig. 4.22 (center).

Finally, we find the elements in the GICs. Let C = 10 nF and impose equal resis-
tances. Then, Eq. (4.11) requires, for the lefimost GIC, Ry = R; = Ry=Rs= JL]C =
1/43.658/10-% = 66.07 k2. Likewise, the resistances for the other GIC are found to be
75.32kQ. The final circuit is shown in Fig.4.22 (bottom), where the resistances have been
rounded off to | % standard values. To avoid output loading, a voltage buffer can be used.
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FIGURE 4.22
Fifth-order 0.1/40-dB elliptic high-pass filter. Top: normalized RLC prototype; center: high-
pass equivalent; and bottom: active realization using simulated inductances.

45
THE SWITCHED CAPACITOR

The filters investigated so far, known as continuous-time filters, are characterized by
the fact that Hy and Q are usually controlled by component ratios and «y) is controlled
by component products. Though ratios can easily be maintained with temperature and
time by using devices with adequate tracking capabilities, products are inherently
more difficult to control. Moreover, IC processes do not lend themselves to the
fabrication of resistances and capacitances with the magnitudes (10° to 10° @ and
107% to 1079 F) and accuracies (1% or better) typically required in audio and
instrumentation applications.

If filter functions are to coexist with digital functions on the same chip, fil-
ters must be realized with the components that are most natural to_VLSI pro-
cesses, namely, MOS transistors and small MOS capacitors. This constraint has
led to the development of switched-capacitor (SC) filters,'>!? which simulate re-
sistors by periodically operating MOS capacitors with MOSFET switches, and
produce time constants that depend on capacitance ratios rather than R-C
products.

To illustrate, let us start with the basic MOSFET-capacitor arrangement of
Fig. 4.23a. The transistors are n-channel enhancement types, characterized by a
low channel resistance (lyplcallzy <10% Q) when the gate voltage is high, and a
high resistance (typically >10'2 Q) when the gate voltage is low. With an off/on
ratio this high, a MOSFET can be regarded for all practical purposes as a switch.
If the gates are driven with nonoverlapping out-of-phase clock signals of the type
in Fig. 4.23b, the transistors will conduct on alternate half cycles, thus providing a
singte-pole double-throw (SPDT) switch function with break-before-make charac-
teristics.

Referring to the symbolic switch representation of Fig. 4.24a and assuming
V| > V2, we observe that flipping the switch to the left charges C to V), and flipping
it to the right discharges C to V. The net charge transfer from V| to V2 is AQ =
C(Vy — Va). If the switch is flipped back and forth at a rate of fck cycles per
second, the charge transferred in 1 second from V| to V; defines an average current

i pnn.
Tnn

(@) (b)

FIGURE 4.2}
Switched capacitor using a MOSFET SPDT switch, and clock
drive for the MOSFETs.
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FIGURE 4.24
Resistance simulation using a swilched capacitor.

lavg = fok x AQ,or - .
Iavg = Cfek (V) — V3) (4.16)

Note that charge is flowing in packets rather than continuously. However, if fcg is
made sufficiently higher than the highest-frequency components of V| and Va, the
process can be regarded as continuous, and the switch-capacitor combination can be
modeled with an equivalent resistance

i—-V; i
ch = = —
lavg Clex
The model is depicted in Fig. 4.24b. Let us investigate how such a resistance can

be used to implement, what by now has proved to be the workhorse of active filters,
namely, the integrator.

417

SC Integrators

As we know, the RC integrator of Fig. 4.25a yields H{(jw) = —1/(jw/wy), where
the unity-gain frequency is given by
1
= .18
wp G, (4.18)
Replacing Ry by an SC resistance gives the SC integrator of Fig. 4.25b. If the input
frequency w is such that

w € wcK 4.19)

R, G
V'W v, = V,Q v,

(a) (&)

FIGURE 4.25
Converting an RC integrator to an SC integrator.

where weK = 2 fek, then current flow from V; to the summing node can be regarded
as continuous, and wy is found by substituting Req into Eq. (4.18),

c
wp = = fek (4.20)
G

This expression reveals three important features that hold for SC filters in general,
not just for SC integrators:

1. There are no resistors. This is highly desirable from the viewpoint of IC fabrica-
tion, since monolithic resistors are plagued by large tolerances and thermal drift,
and also take up precious chip area. Switches, on the other hand, are implemented
with MOSFETs, which are the basic ingredients of VLSI technology and occupy
very little chip area.

2. The characteristic frequency wp depends on capacitance ratios, which are much
easier to control and maintain with temperature and time than R-C products. With
present technology, ratio tolerances as low as 0.1% are readily achievable.

3. The characteristic frequency wy is proportional to the clock frequency fck, indi-
cating that SC filters are inherently of the programmable type. Varying fek will
shift the response up or down the frequency spectrum. If, on the other hand, a
fixed and stable characteristic frequency is desired, fcg can be generated with a
quartz crystal oscillator.

Equation (4.20) also shows that by judicious choice of the values of fx and the
C/ Cy ratio, it is possible to avoid undesirably large capacitances even when low val-
ues of wq are desired. For instance, with fcx =1 kHz, C) =1 pF, and C3 = 15.9 pF,
the SC integrator gives fo = (1/27)(1/15.9)103 = 10 Hz. An RC integrator with the
same fy could be implemented, for instance, with R} =1.59 MQ and C; = 10 nF.
Fabricating these components monolithically and maintaining the value of their
product within 0.1% would be unrealistic. Current SC filters use capacitances in the
range of 0.1 pF w0 100 pF, with the 1-pF 1o 10-pF range being the mosi common. The
upper limit is dictated by die area congiderations, and the lower limit by parasitic
capacitances of the SC structure.

To minimize the effect of parasitic capacitances and also increase circuit ver-
satility, practical SC integrators are implemented with SPDT switch pairs, in the
manner of Fig. 4.26. In Fig. 4.26a, flipping the switches down discharges C; to
zero, and flipping the switches up charges C) to V;. Current will thus flow into the
summing junction of the op amp if V; > 0, and out if V; < 0, indicating that the
integrator is of the inverting type.

St et

(a) (b)

FIGURE 4.2¢
Averting and noninverting SC integrators.
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Changing the phase of one of the switches yields the circuit of Fig. 4.26b. With
the switches in the positions shown, the left plate of Cy is at V; and the right plate at
0 V. Commutating both switches will discharge C to 0 V, thus pulling charge out of
the summing junction if V; > 0, and pushing current into the junction if V; < 0. A
simple phase rewiring of the two MOSFETs making up one of the switches inverts
the direction of /vg, resulting in an SC integrator of the noninverting type. We shall
exploit the availability of this type of integrator in the next sections.

Practical Limitations of SC Filters

There are some important limitations that we need be aware of when applying
SC filters.!® First, there are limits on the permissible range of fck. The upper
limit is dictated by the quality of the MOS switches and the speed of the op amps.
Taking 10 pF as a typical switched capacitance and 1 kS2 as a typical resistance of
a closed MOS switch, we observe that the time constant is on the order of 10° x
10~ = 10 ns. Considering that to charge a capacitance to within 0.1% of its final
voltage takes about seven time constants e’z 10™3), it follows that the minimum
time interval between consecutive swhich commutations is on the order of 10? ns.
This also happens to be the typical time it takes for the step response of a MOS op
amp to settle within 0.1% of its final value. Consequently, the upper limit for fck
is in the megahertz range.

The lower practical limit for fcg is dictated by the leakage of open MOS
switches and the input bias currents of op amps, both of which tend to discharge the
capacitors and, hence, Lo destroy the accumulated information. At room temperature
these currents are in the picoampere range. Assuming a maximum acceptable droop
of 1 mV across a capacitor of 10 pF, we have fck = (1 pA)/[(10 pF) x (1 m\?] =
102 Hz. In summary, the permissible clock range is typically 102 Hz < fcg < 10°Hz

The other important limitation of SC filters stems from their discrete-time rather
than continuous-time operation. This is evidenced in Fig. 4.27, which shows the

0Ty 1Tex 2Tex 3Tcx

FIGURE 4.27
Noninverting SC integrator waveforms,

input and output waveforms for the noninverting integrator of Fig. 4.26a. Time has
been divided into equal intervals according to the clock period Tck. Referring to
the actual circuit, we observe that ¢ pulses charge C) to v;, while $ pulses pull
the charge accumulated in Cy out of C3, causing a step increase in v,. Because of
nonzero switch resistance, this step is gradual.
Letting n denote an arbitrary clock period, we have vo[n Tk | = vo[ (n—1 YTk ]+
AQl(n = DNTck])/Ca, or
Ci
volnTck] = vol(n — D)Tex] + C—zvi[(n = D7cx]) 4.21)
where AQ[(n — 1)Tck]=Cvil(n — 1)Tck] denotes the charge accumulated by
C) during the previous ¢ pulse. Equation (4.21) represents a discrete time sequence
relating input and output values, which have been emphasized with dots. A well-
known Fourier transform property states that delaying a signal by one clock period
Tck is equivalent to multiplying its Fourier transform by exp(— jwTck). Taking the
Fourier transforms of both sides of Eq. (4.21) gives

. R c .
Volj) = Votjw)e JTex 4 2V (jupeIoTen (4.22)
2

(;oll(e_cting, solving for the ratio H(jw) = V,(jw)/ V;(jw), and using Euler’s iden-
tity sina = (¢% — e~%)/2, we finally obtain the exact transfer function of the SC
noninverting integrator,

TO[OCK - jnofeck
Jw/wy  sin(me/wck)

where wy = (C/C2) fck and weg = 21/ Tek = 27 fek.

We observe that in the limit w/wck — 0 we obtain the familiar integrator
fungtion H (jw) = 1/(jw/wp), confirming that as long as wek > w, the SC process
can be regarded as a continuous-time process. Writing H (jw) = [1/(jw/@w)) X €m X
exp(—j€p) indicates that in general the SC process introduces a magritude error
€m = (tw/wck)/[sin(mw/wck)] and a phase error €4 = —nw/wck. The effect of
these errors is illustrated in the linear plots of Fig. 4.28 for a noninverting integrator
with wy = wck/10.

The ideal magnitude and phase responses are | H| = 1 /(w/wy) and 3H = —90°,
The SC integrator deviation increases with w until, for w = wcy, the magnitude
error becomes infinite and phase undergoes polarity reversal. These results are con-
sistent with well-known sampled-data principles, stating that the effect of sampling a
function of time at the rate of fck samples per second is a replication of its frequency
spectrum at integral multiples of fck.

For w <« wck, the effect of the magnitude error is similar to the effect of
component tolerance or drift in ordinary RC integrators. As such, it may not be
detrimental, especiaily if the performance requirements are not stringent. To contain
this error within tolerable limits, the useful frequency range is limited to a couple of
decades below wek.

The effect of the phase error, however, is critical since it rhay cause Q enhance-
ment or even instability. One method of compensating for this error is by alternating
the clock phasing of consecutive integralors.m as we shall see in Section 4.6,

H(jw) = 423

M- ] ~ 4
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Magnitude and phase responses of anoninverting SC integrator
for the case wy = wex/10.

4.6
SWITCHED-CAPACITOR FILTERS

Switched-capacitor filters are based on the integrator configurations of the previous
section. As in the case of continuous-time filters, two popular approaches 1o SC filter
synthesis are the cascade appriewct: o b Tadder simulation approach.

Dual-Integrator-Loop Filters

A dual-integrator-loop SC filter can be synthesized by replacing the resistors of
a continuous-time prototype with SC equivalents. Figure 4.29 shows the SC im-
plementation of the popular biquad topology of Fig. 3.36. Here OA; is a lossless
noninverting integrator, a function that requires only one op amp when implemented
in SC form. We thus have, for w < wck,

Vir = - Vap

Jolwo
where wy = (Cy/C2) fck, by Eq. (4.20). The op amp OA, forms a lossy inverting
integrator, whose equivalent feedback resistance, simulated by C3 and the associated
switch, sets the value of Q. By Eq. (4.17), this resistance is Rg = 1/C; fck. With
the input switches in the position shown, the leftmost capacitance C is charged to
Ve — V. Flipping the switches down transfers the charge AQ = C|(Vip — Vi)

L1 L?@H

FIGURE 4.29
SC biquad filter.

into the summing junction of OA1, so the corresponding average current is [y =
C\ fok (VLp — Vi). Summing currents at this junction gives, for w < wck,

C fex(Vip — Vi) + Ca fek Vep + jwC2Vgp =0

Substituting Vjp = Vgp/(jw/wy) and collecting gives Vgp/V; = Hypp Hpp and
Vip/V; = HoLpHyp, where Hyp and Hpp are the standard second-order low-pass
and band-pass responses, and

C C
wo = = fok =1 Hppp = @ Hap=1V/IV (4.24)
Ca C3

EXAMPLE 412. Assuming fox = 100 kHz in the ciscuit of Fig. 4.29, specify suitable
capacitances for a Butterworth low-pass response with f; = 1 kHz and a total capacitance
of 100 pF or less.

Solution. We have C,/C) = fex/(2gfo) = 15.9 and C3/Cy = 1/Q = +/2. Choose
C,=1pF, C2 =159 pF and C; = 1 .41 pF.

The realization of Fig. 4.29 is by no means unique, nor is it necessarily the
best. In fact (see Problem 4.26), its capacitance spread increases with  to the point
of making this arrangement unfeasible. Figure 4.30 shows an SC realization with

C:i____J

FIGURE 4.30
3C biquad filter with improved capacitance spread.
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improved capacitance ratios. The circuit uses an integrator/summer and a noninvert-

ing integrator to provide the band-pass and high-pass responses. It can be proved
(see Problem 4.27) that

Cy Cs -1
wg I fck Q C) 0BP 1 VIV Hopp 0 (4.25)

In the next section we investigate the cascade design of higher-order filters using
dual-integrator foops, an approach that is particularly attractive when filter specifi-
cations are not too stringent. For low-sensitivity applications, the direct synthesis
methods discussed next are preferable.

Ladder Simulation

Direct SC filter synthesis uses SC integrators to simulate passive RLC ladders. Since
it retains the low-sensitivity advantages of ladders, this approach is preferable when
filter specifications are more stringent. One of the most frequently used structures
is the doubly terminated all-pole ladder of Fig. 4.31, which can be configured for
Butterworth, Chebyshev, or Bessel responses, the order n coinciding with the num-
ber of reactive elements present. As we know, the required component values are
tabulated in filter handbooks or can be calculated by computer.

We observe that the ladder is a repetitive structure of LC pairs of the type of
Fig. 4.32a. The inductance current is

SC integrators are inherently voltage-processing blocks, so to make the above func-
tion amenable to SC implementation, we use the artifice of multiplying both sides by
ascaling resistance R, which converts the current Iy _) to a voltage V,:_} =Rlp_),
or

i 1
Vi_| = — Vic) — V1) w,, = ———
U7 e, kol L = /RS
This integration is implemented with an L-integrator of the type also shown in
Fig. 4.32h. By Eq. (4.20), its capacitances must satisfy Co/Cy, | = wi,_,, Or
Cr,.,/Co = (Lx—1/Rs) fck (4.26)

Next consider the capacitance Cy, whose voltage is

|
Vi=—+(It—1 — |
(3 ijk(kl k)

FIGURE 4.31
Doubly terminated all-pole RLC ladder.

Vi
, R S, Co
Yoy O
s —
Ly I

(a) ®

FIGURE 4.32
LC tadder section and its realization in SC form.

Multiplying numerator and denominator by R; to convert the currents 7, and /4
to the voltages V;_; = RsJx_; and V)| = R, Iy, we obtain

_ 1
- RsCy

Vi = Vo1 =V e,

Jjwlwc,

This integration is implemented with a C-integrator of the type also shown in
Fig. 4.32b. By Eq. (4.20), its capacitances must satisfy Cy/C¢, = wc,, of

Cc,/Co = RsCy fck 4.27)

We thus conclude that if the conditions of Eqgs. (4.26) and (4.27) are met, the SC
integrators of Fig. 4.32b wili simulate the LC pair of Fig. 4.32a. The by-product
variables Vk’—l and Vk' need not concern us as they are internal to the circuit. ‘

To complete the ladder simulation, we also need SC equivalents of the termi-
nating resistors. This is readily achieved by making the first and last SC integrators
of the lossy type. Denoting the capacitances simuiating these resistances as CR, and
Cr,, we have

-

Cr/Co=Ri/Rs  Cg,/Co=Ro/Rs (4.28)

For simplicity we can let R; = R, = Ry = 1, afterwhichwe getCg, = Cp, = Cp.

As anexample, Fig. 4.33 shows a fifth-order low-pass SC filter. Since the leftmost
reactive element in the ladder prototype is a capacitance, the leftmost integrator is
a C-integrator. The rightmost integrator is either a C-integrator or an L-integrator.
depending on whether the order n of the filter is odd (as in the example) or even.
Moreover, the leftmost and rightmost integrators must be of the lossy type to simulate
the terminating resistances. Note also the alternation in the switch phases of adjacent
integrators in order to minimize the effects of sampling delays, as mentioned at the
end of the previous section.

LI AN v o -
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FIGURE 4.3}
Fifth-order SC low-pass filter.

Direct Synthesis of Low-Pass Filters

Although the element values of Table 4.2 refer to all-pole ladders with an inductance
as the leftmost reactive element, they are readily adapted to ladders with a capacitance
as the leftmost reactive element, provided we change the column headings from L,
C3,L3,Cy,...10Cy, Ly, C3, Ly, .. .. Since the tabulated RLC values are normalized
for a cutoff frequency of 1 rad/s, they must be frequency-scaled before Eqs. (4.26)
and (4.27) can be applied. As discussed in Section 4.4, this requires dividing all
reactive values by the cutoff frequency w,. Assuming R; = 1 Q, the above equations
become

Cc,/Co=(Cifwe)fck  CL,/Co = (Lifoc) fok (4.29)

where Cy and L represent the kth normalized reactive element values of the filter
prototype.

EXAMPLE 4.13. In the circuit of Fig. 4.33, specify capacitances for a fifth-order But-
terworth low-pass response with f, = | kHz and fox = 100 kHz.

Solution. From Table 4.2 we find the following normalized element values: C; =
Cs=0.618, C3=2.000, and L, = L4 =1.618. Using Eq. (4.29), we obtain C¢,/Co =
0.618 x 10°/2m10° =9.836, Cp,/Co=1.618 x 10°/2w10° =25.75, etc., and Cr,/
Co=Cg,/Co= 1. A set of capacitances meeting the above constraints is Cg, =Cg, =
Co=1pF,C¢, =C¢, =984 pF, Cp, = C;, = 25.75 pF, and C¢, = 31.83 pF.

Direct Synthesis of Band-Pass Filters

The low-pass ladder of Fig. 4.31 can also serve as the prototype for other responses.
For example, replacing each capacitance by an inductance and vice versa, and using
reciprocal element values, the ladder becomes of the high-pass type. Replacing each
inductance in the original ladder by a parallel LC pair yiclds a low-pass response
with notches, that is, an elliptic low-pass response. Replacing each capacitance in
the original ladder by a parallel LC pair and each inductance by a series LC pair

yields a band-pass response. Replacing each capacitance in the original ladder by
a series LC pair and each inductance by a parallel LC pair yields a band-reject
response.

Once the ladder has been transformed, we write circuit equations for each node
and branch, and use resistance scaling to convert currents to vollages to render
the equations amenable to SC simulation. We shall illustrate the procedure for the
band-pass case.

The ladder of Fig. 4.34 (top) is a second-order low-pass prototype. If we replace
its capacitance by a parallel LC pair and its inductance by a series LC pair, we end
up with the fourth-order band-pass ladder of Fig. 4.34 (center). RLC filter theory
states> that to achieve a center frequency of | rad/s with a normalized bandwidth
BW, the element values of the transformed ladder must be related to those of the

low-pass prototype as
Ciipewy = Ciioly/BW
Conew) = BW/L2(0g)

where the low-pass elements are referred to as old, and the band-pass ones as new.
The former are tabulated in filter handbooks.

L\ (new)y = BW/C\(old) (4.30a)
Lanew) = La(ola)/BW (4.30b)

FIGURE 4.34
FOU'I‘th-order band-pass filter. Top: second-order RLC prototype; center: fourth-order RLC
quivalent; and bottom: SC realization.
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Let us now develop the necessary circuit equations. By KCL, V; = (1/jwC}) x
({; = Iz — I3). Multiplying numerator and denominator by the scaling resistance R;
to convert currents to voltages as V; = Ryl;, V] = Rs I, and V] = R; I3, we obtain

1
V/~Vi=Vh g = —

Jw/wc, RsCy
By Ohm’s law, Iy = V;/jwL|. Multiplying both sides by R; gives
1
27 jwlwr, ' Li/Rs
By Ohm’s law, I3 = (V| — Va)/jwlL3, or
; 1
= - M-V w,=
P jeley, 27 Lay/R;
ByKVL, Vo =V, + I3/jwC>, or
V=V, + ! v; 1
= @ =
2= et 1 YT RG

All equations are realizable with the SC integrators of Section 4.5. An actual imple-
mentation is shown in Fig. 4.34 (bottom). The SC capacitance ratios are found via
Eq. (4.29) with w, replaced by the desired center frequency wy.

EXAMPLE 4.14. Specify capacitances in Fig. 4.34 (bottom) for a fourth-order 0.1-dB
Chebyshev band-pass response with fo = 1 kHz, BW = 600 Hz, and fcx = 100 kHz.

Solution. From Table 4.2 we find the following low-pass prototype element values:
C,=0.84304 and L; = 0.62201. The normalized bandwidth is BW = 600/1000 = 0.6,
so the normalized band-pass ladder elements are C, = 0.84304/0.6 = 1.405,L, = 0.6/
0.84304 = 0.712, Ly = 0.62201/0.6 = 1.037, and C; = 0.6/0.62201 = 0.9646.

Using R, =R, =R, =1, and Cy, = Cp, = Cp = 1 pF, we find C¢, = 10°C,/
2710° = 1592, C| = 15.92 x 1.405 = 22.36 pF, C;, = 15.92 x 0.712 = 11.33 pF,
Cr, = 16.51 pF, and C, = 14.81 pE

Switched-capacitor ladder filters are available in a variety of configurations,
both in stand-alone form and as part of complex systems such as Codecs. Stand-
alone filters are usually preconfigured for commonly used responses, such as the
eighth-order Butterworth, Cauer, and Bessel responses provided by the SC filters of
the LTC1064 series (Linear Technology).

4.7
UNIVERSAL SC FILTERS

Universal SC filters use the dual-integrator-loop configuration to provide the basic F
second-order responses. These responses can then be cascaded to implement higher-

order filters. Two popular and well-documented examples are the LTC1060 (Linear
Technology) and the MF10 (National Semiconductor).

The MF10 Universal SC Filter

The MFI0 filter, whose block diagram is shown in Fig. 4.35, consists of two dual-
integrator-loop sections, each equipped with an uncommitted op amp to add versa-
tlity and facilitate cascading. Each section can independently be configured for the
low-pass, band-pass, high-pass, notch, and all-pass responses by means‘of ea.(temal
resistances. Though these resistances could have been syqthesnzzd on-chip using sC
techniques, placing them under the control of the user increases lhe‘ versatlht)f of
the circuit. Furthermore, filter parameters are made to depend on resistance ratios,
rather than on absolute values, to take advantage of component trackmg.
The integrators are of the noninverting type, with the transfer function

1
HU) = —— - (43D
W ¥/h
v} Vi N/APHP, Si, BP, LP,

4
inv, [+
15
AGND [} 1o
16 :.
LEVEL | NONOVERL | :
ax, [ SHIFT CLOCK !
E
12 1 6
sonoorcL [} CONTROL [—% H' | Sas
9 i
Lsh [J— |
i
d LEVEL NON OVERL e
CLK, SHIFT CLOCK : \ \
]
-
]
TO AGND
17
INVy [ —
[5 " [}20
v v, NAPHP, Sl - BRy LFa
FIGURE 4.35

Block diagram of the MF10 universal monolithic dual SC filter. (Courtesy of National Semi-
conductor.)
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where f} is the integration unity-gain frequency, and

_ Jex fex
h= 0 0

depending on the voltage level applied at the 50/100/CL frequency-ratio program-
ming pin: tying it to ground enables the 100 ratio, and tying it to the positive supply
enables the 50 ratio.

In general, the characteristic frequency fy of a section coincides with the unity-
gain frequency f) of its integrators; however, connecting an external resistance
between the LP and INV pins shifis fy away from f| by an amount controlled
by an external resistance ratio. This feature is useful in cascade design, where the
resonance frequency of each stage must be set independently while all sections are
controlled by the same clock frequency fck. .

For additional flexibility, an internal programming switch is provided, whose
position is user-programmable by means of the S45 control pin. Tying this pin to
the positive (negative) supply positions the switch to the right (left). Whereas the
integrators provide the band-pass and low-pass responses, the input amplifier can be
made to provide the high-pass, notch, or all-pass response, depending on the external
resistance connections and the internal switch position.

(4.32)

Modes of Operation

Each section can be configured for a variety of different modes. The following
are some of the most significant ones; others can be found in the data sheets and
application notes.*

The circuit of Fig. 4.36 provides the notch, band-pass, and low-pass responses.
Since the summing amplifier is outside the two-integrator loop, this mode is faster
and allows for a wider range of operating frequencies. Assoming f < fck, we have

R W - Vie Vep

2
W=—-—-"V,— ——=Vap Vep = — = -
Ri' Ry ifIfi ERTIT

where fy is given by Eq. (4.32). Eliminating V_p and Vgp yields Vi/V; = HgnHN,

FIGURE 4.36

Basic MFI0 connection for the notch, band-pass, and low-pass responses.
(Countesy of National Semiconductor.)

vep/ Vi = HoppHpp, and Vip/Vi = HoLp Hyp, where
fi=fo=h Q=Ri/R2 (4.33a)
Hon = Hop = —R2/ Ry Hopp = —R1/Ry (4.33h)

Note that in this mode both f; and f coincide with the integration unity-gain
frequency fi = fek /100(50).

EXAMPLE 4.15. In the circuit of Fig. 4.36, specify suitable resistances for a band-pass
response with fo = | kHz, BW = 50 Hz, and Hyge = 20 dB.

=Q= = 10°/50 = 20, and Ry/R\ = |Hyge| =
Solution. Impose R/Ry = @ = fo/BW = 10°/ | H -
10220 = 10. Pick R, = 20 k2, R; = 10k, R; =200k, fox = 100 kHz, and tie

the 50/100/CL pin to ground to make fi = fex /100.

The mode of Fig. 4.37 is referred to as the state-variable mode becausq it
provides the high-pass, band-pass, and low-pass responses by direct consecutive
integrations. One can readily show (see Problem 4.29) that, if f < fck. the circuit
gives Vup/ Vi = Houp Hue, Vep/ Vi = Hosp Hep. and Vyp/ Vi = HoLp HLp, where

fo= fivR2/Ra Q = (R3/R2)v R2/Ra (4.344)

Houp = —R2/Ry Hogp = —R3/R) HoLp = —R4/Ry (4.34b)

A distinctive feature of this mode is that fp can be tuned indepcndeqtly of the
integration unity-gain frequency fi= fex/100(50) by means of the ral_t{o 82/ R4,
a feature we shall exploit in cascade design. Since the summing am.phher.ls now
inside the integrator loop, the frequency limitations of its open-loop gain are I_lkely to
cause O enhancement, a subject that will be addressed in Chapter 6. Suffice it to say
here that this enhancement can be compensated by placing a phase-lead capacitance
on the order of 10 pF to 100 pF in parallel with Ra. ) _
By combining the high-pass and law-pass responses with an external summing
amplifier, in the familiar manner of Fig. 4.38, the notch response is synthesized. One

LP

v;

FIGURE 4.37 ] )
State-variable configuration using the MF10. (Courtesy of National Semiconductor.)
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R, =

"‘: / >—l>—4r
v,

FIGURE 4.38

MF10 with an exiemal op amp to provide the notch response. (Courtesy of National Semi-

conductor.) ,

can readily show (see Problem 4.29) that, if f « fek. the circuit gives

Vo _ 1= (f/f)*
v = ON 3 :
Vi L= (f/f0)2 + Gflfo)/Q
Jo= fiv/Ry/Ry fo=HhVRu/RL Q = R3/Rn/Ry/Ry (4.35a)

RG Ry Ry R; Rq
N =2 R oHp R, 0BP R oLp = ra ( )

Depending on how one specifies the various resistances, the notch can be of the high-
pass or low-pass type, and it can be utilized in the synthesis of Cauer filters. When
cascading, the high-pass and low-pass outputs of a given section can be combined
by means of the input amplifier of the following section, thus reducing the number
of external op amps to one, that of the last section.

Cascade Design

Dual-integrator-loop sections can be cascaded to synthesize higher-order filters, If
we drive all sections with the same clock, the overall filter will be programmable,
since varying fck will translate all responses up or down the frequency spectrum
without affecting their Qs or gains. The resonance frequencies of the individual
sections may require shifting with respect to the characteristic frequency of the
overall filter. This is accomplished by means of R4, as demonstrated by Eqs. (4.34a)
and (4.35a). Following are a few cascade-design examples; others can be found in
the manufacturer’s literature.

20k
—A
oV,
0kQ 1 20 20k
LF, LPy W——m»8
19 698kQ
BP BPg |—— N ——¢
* 18 196kQ
N/IAP/HP,  N/AP/HP, H.
17
INV,, INV,
S| 16
S ME10 8 s
Sus AGND 1
R 4 =
Vi v; -
8 13
+5V o— v Vi © -5V
9 12
'L_IO L Sh 50/100/CL “ 1

CLK, CLK, ——-l

fex = 200 kHz O—
U

FIGURE 4.3%
Fourth-order, 1-dB, 2-kHz Chebyshev low-pass filter.

EXAMPLE 4.16. Using the MFI10 filter, design a fourth-order 1.0-dB Chebyshev low-
pass filter with f. = 2 kHz and 0-dB dc gain.

.

Solution. Let fox = 100f, =200 kHz. From Table 4.1 we find that the following
individual-stage parameters are needed: fo; =0.993 (., @ =3.559, ' Jfor = 0.529 f;,and
@2 = 0.785. Let section A be the low-Q stage, and section B the high-Q st‘age. and !cl
us cascade them in this order to maximize filter dynamics. Since bgth sections require
frequency shifting with respect to f., we use the configuration of Fig. 4.37.

By Eq (434), N RzA; R4 =0529. or Rza/qu =02798, R;A/Rz,q --’—‘QA/
—\/RIA7R4 =0785/0529= 1484, RqA/RM = |H0|_p,(| = ].Let RM = R4A = 20kQ.
‘Then, Ry = 5.60 k2 and R34 = 8.30 k2. Likewise, we find .R,g'= Rig = 20kQ,
Rag = 19.7 k2, and R3p = 70.7 k2. The final circuit is shown in Flg. 4.39, where the
resistances have been rounded off to 1% standard values. For optimum p?rformance,
bypass the power supplies with 0.1-uF disk capacitors right at the supply pins.

EXAMPLE 417, Design an elliptic low-pass filter meeting the following .speciﬁcalions:
f. = 1 kHz, f, = 2kHz, Ay = 1.0dB, Ay = 50 dB, and 0-dB dc gain.

Solution. The aforementioned FILDES program indicates that we need a fourth-order
filter with the following individual-stage parameters.

for = 0.5650kHz  fy =2.1432kHz  Q, = 0.8042
for =0.9966kHz  f,;; = 4.9221 kHz 0, = 4.1020

Moreover, the actual attenuation at 2 kHz is 5.9 dB.




lers:

20 k2
VWV
909 kQ
20 k02
VWV
20k 1 20 20k}
LP, LPy b
19 B25KkQ
BP, By f———A—+ 20kQ
18 20k
N/APHP,  N/APHP, —~N—
17
INV, INV, 487 k(2
16 - v
S1, Slg " 0
.- MFiQ 15 1 LM358
San Acnp 1 = 2
R 14 =
L Ve
8 “lia
+5V o vy vp Q -5V
9 12
Y oummn L Sh 50/100/CL — 1
T 00 1 =
CLK, CLK, —]
fox = 100 kHz o
M

FIGURE 4.40
Fourth-order, 1-dB, 1-kHz elliptic low-pass filter.

Use the notch configuration of Fig. 4.38 with fex = 100f. = 100 kHz. Design
section A first. Let Ry, = 20k Imposing | Hppa| =1 VIV gives Rip = R, =20kS2.
To achieve the given fy we need Rya/Ryq = 0.5650%, or R4 =6.384 kQ. To achieve
the given Q) weneed R34 = R4 01 /7/R2a/Rsa = 6.384 % 0.8042/0.5650 = 9.087 k2.
Let R; 4 = 20 k2, so that to achieve the given f,; we need Rya/Rp a = 2.1432%, or

Now design section B using the input amplifier of section B to combine the high-pass
and low-pass responses of section A. Imposing |Hopsl = 1 V/V gives Ryg = Ry 4 =
20 k2. Repeating similar calculations we obtain Rap = 19.86 k2, Ryp = 81.76 k2,
Rea = 20k, and Ryp = 484.5 k2. The last notch requires an external op amp with
Rg = Rip = 20k to ensure a 0-dB dc gain. The final circuit is shown in Fig. 4.40,
where the resistances have been rounded off to 1% standard values.

PROBLEMS

4.1 Filter approximations

4.1 (a) Find n for a low-pass Butterworth filter with A, =1 dB, Ay, =20 dB, and

w; /w. = 1.2. (b) Find the actual value of A(w,). (¢) Find A.x 50 that A(w,) = 20 dB
exactly.

4.2 Using Eq. (4.5), find n for a low-pass Chebyshev response with the same specifications

as the Butterworth response of Example 4.1.

4.3 Using Eq. (4.6), find the passband frequencies at which the gain of a seventh-order
0.5-dB Chebyshev filter exhibits its peaks and valleys, as well as the gain at 2w, 10w,.

4.4 (a) Sketch the magnitude plots of the Butterworth and Chebyshev responses for n = 5
and A = 1 dB. (b) Compare the attenuations provided at w = 2w,.

4.5 The normalized third-order Butterworth low-pass response is H(s) = 1/(s> +2s2+
25 + 1). (a) Verify that it satisfies Eq. (4.4) with € = 1. (b) Show that if k; =0.14537
and k» =2.5468, the single-op-amp filter of Fig. P4.5 implements the third-order
Butterworth response with w, = 1/ RC (ki k3)'/3. (¢} Specify components for f. = | kHz.

FIGURE P4.5

4.2 Cascade design

4.6 The normalized fourth-order Butterworth low-pass response can be factored as H () =
(53452 =272 1 117 x {524 5(24 222 4 {71, (a) Verify that it satisfies
the condition of Eq. (4.4) with € = 1. (b) Design a fourth-order Butterworth low-pass
filter with f, = 880 Hz and Hy =0 dB.

4.7 A drawback of the implementation of Fig. 4.7 is its high capacitance spread, especiaily
in the high-Q stage. This can be avoided by using K > 1. Redesign the filter so that
the capacitance spread is kept below 10 while still ensuring 0-dB dc gain.

4.8 The smoothing filter of Fig. 4.7 is adequate for moderate performance requirements.
Ultra-high fidelity andio applications require lower passband ripple and even sharper
cutoff characteristics. For a 40-kHz sampling rate, these demands can be met® with
a tenth-order 0.25-dB Chebyshev low-pass filter having f. = 15 kHz. Such a filter
provides A(20 kHz) = 50.5 dB with a —3-dB frequency of 15.35 kHz. The individual-
stage parameters are: fy, = 3.972 kHz, @, = 0.627, fi, = 7.526 kHz, Q; = 1.318,
fos = 11.080 Hz, 03 = 2.444, fou = 13.744 kHz, Q4 = 4.723, fos = 15.158 kHz,
and Qs = 15.120. Design such a filter and show your final circuit.

4.9 Using equai-component KRC sections, design a fifth-order Bessel low-pass filter with
fe = 1kHz and Hy = 0 dB.

4.10 Using KRC sections with C; = C; and R, = Ry, design a seventh-order Butterworth
low-pass filter with f, = | kHz and Hy = 20 dB.

4.11 Design a fifth-order 1.0-dB Chebyshev high-pass filter with fo =360 Hz and high-
frequency gain Hy adjustable from 0 to 20 dB. Use equal capacitances throughout.

A band-pass filter is to be designed with center frequency f, =300 Hz, A(300 £
10 Hz) =3 dB, A(300 % 40 Hz) > 25 dB, and resonance gain Hy =12 dB. These
specifications’ can be met with a sixth-order cascade filter having the following
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4.13 Complete the design of Example 4.7, and show the final circuit.

4.14 Using the cascade-design approach, along with the FILDES program, design a0.5-dB
@ Chebyshev low-pass filter with a cutoff frequency of 10 kHz, a stopband frequency
of 20 kHz, a minimum stopband attenuation of 60 dB, and a dc gain of 12 dB. Then,
ran a PSpice simulation of your circuit, showing the magnitude Bode plots of the
individual-stage responses as well as the overall response.

4.3 Generalized impedance converters

4.15 (a) Using the DABP filter of Fig. 4.17b, along with a summing amplifier, design a
- second-order notch filter with f; = 120 Hz and Q = 20. (b) Suitably modify the circuit
of part (a) for a second-order all-pass filter with a gain of 20 dB.

4.16 Tt is desired to design a band-pass filter with fo = 1 kHz, A(fo &+ 10 Hz) = 3dB, and
A( fo £ 40 Hz) > 20 dB. Such a filter’,can be implemented by cascading two second-
order band-pass stages with fy; = 993.0 Hz, fi; = 1007 Hz, and Q) = @, = 70.7.
Design an implementation using the DABP filter of Fig. 4.17b. Make provision for
frequency tuning of the individual stages.

4.17 (a)Show that Eq. (4.12) holds also for the D element of Fig. 4.16. (b} Using this element,
along with the RLC prototype of Fig. 4.18a. design a low-pass filter with f = 800 Hz
and @ = 4.

4.18 Provided R = /3L/C. the circuit of Fig, P4.18 yields a third-order, high-pass Butter-
worthresponse with —3-dB frequency @, = 1/3/2LC. (a) Specify suitable components
for f, = 1 kHz. (k) Convert the circuit to a GIC realization.

c

R ¢
V.(i; L% R% A
8- & —0

FIGURE P4.18

1S+

4,19 Show that the circuit of Fig. P4.19 simulates a grounded inductance L = R R3R4C/R;.

R, R, R c
l__._
Tl ]
R,
I i

FIGURE P4.19

4.20 The circuit of Fig. P4.20 simulates an impedance Z, proportional to the reciprocal of
Z,.Called a gyraior, it finds application as an inductance by letting Z; be a capacitance.

(a) Show that Z, = R%/Z,. (b) Using this circuit, design a second-order band-pass
filter with fy = 1 Hz, @ = 10, and zero output impedance. What is the resonance gain
of your circuit?

FIGURE P4.20

4.4 Direct design

4.21 It is desired to design a seventh-order 0.5-dB Chebyshev low-pass filter with a —3-dB
frequency of 10 kHz. From Table 4.2 we find the RLC element values shown in
Fig. P4.21. Using this ladder as a prototype, design an FDNR implementation.

R 4 L Ly Ly

1.7373H 1.7373H

1Q 26383 H 2.6383 H

C C, G, R

2 4 6
1.2582 F ‘[ 1.3443 F '[ 1.2582F I 12

*+— & & -+ —0

FIGURE P4.21

4.22 Using GICs and the information of Table 4.2, design a seventh-order 1-dB Chebyshev
high-pass filter with f. = 500 Hz.

45 The switched capacitor

4.23 Find a relationship beween V,, and V; and V; in the circuits of Fig. P4.23 for f « fck.
and give the circuits’ descriptive names.

C.
2
Vi G vy 1 l
C'I +—i ot
7 . | ov,
bo v, ]
vy v, =
G, =
= l -
(@) (2]

FIGURE P4.23



4.24 Find the transter function of the circuits of Fig. P4.24 for f « fck. and give the
circuits’ descriptive names,

G
—
Vl
G
C [—-0 —
- : ’—O v[’
v vy v, oV,
(] b)

FIGURE P4.24

4.25 (a) Assuming f & fcx, show that the circuit of Fig. P4.25 gives the notch response.
(b) Assuming fcx = 100 kHz, specify capacitances for a 1-kHz notch with ¢ = 10.

"0

FIGURE P4.25

4.6 Switched-capacitor filters -

4.26 (a)Assuming fck = 250 kHz in the circuit of Fig. 4.29, specify capacitances for a band-
pass response with fo = 2 kHz and BW = | kHz. (b) Repeat, but for BW = 100 Hz.
What do you conclude about the capacitance spread as a function of Q7

4.27 (a) Derive Eq. (4.25). (b) Assuming fcx = 200 kHz, specify capacitances in the circuit
of Fig. 4.30 for fo = 1 kHz and Q = 10, (¢) Repeat, but for Q0 = 100, Comment on

the capacitance spread.

4,28 Using Table 4.2, but with Cy, Ly, C3, ... as column headings, design a fifth-order
0.1-dB Chebyshev low-pass SC ladder filter with f, = 3.4 kHz and fcx = 128 kHz.

4.7 Universal SC filters

4,29 Derive Egs. (4.34) and (4.35).

4.30 Consider the circuit obtained from that of Fig. 4.36 by removing R, lifting the S1 pin
off ground, and applying V; to $1, so that only two resistances are used. (@) Sketch the
modified circuit and show that Vnp/ Vi= -QHBP and VLP/ V: = _HLP, with f() and
Q given by Eq. (4.33a). (b) Specify resistances for fo = 500 Hz and Q = 10.

4.31 The MF10 configuration of Fig, P4.31 provides the notch, band-pass, and low-pass
responses, with the notch frequency f, and the resonance frequency f; independently
tunable by means of the resistance ratio R,/ Ry. Find expressions for fy, f;, @, and the
low-frequency gain.

FIGURE P4.31

4.32 If in the circuit of Fig. P4.31 we lift the S1 input off ground and we connectitto V;, with
everything else remaining the same, then the output of the leftmost op amp changes from
the notch to the all-pass response, with the numerator and denominator (s separately ad-
justable. Assuming f < fc, find fy, the numerator and denominator Qs, and the gain.

4.33 Using the MF10 in the configuration of Problem 4.30, design a minimum-component
fourth-order Butterworth low-pass filter with f. = | kHz and 20-dB dc gain.

4.34 A fourth-order 0.5-dB Chebyshev band-pass filter is 10 be designed with fy = 2 kHz
and BW = 1 kHz. Using the FILDES program, it is found that the cascade realization
requires the following individual-stage parameters: fo; = 1554.2 Hz, f;; = 2473.6 Hz,
and @ = Q> = 2.8955. Design such a filter using the MF10.

4.35 A fourth-order 1.0-dB Chebyshev notch filter with Jo = 1 kHz is to be implemented
by cascading two second-order sections with fo, = 1.0414 fo, fo, = 0.9602 f, f.y =
fiz = fo.and Q) = @2 = 20.1. Design such a filter using the MF10,

4.36 It is desired to design a 0.5-dB elliptic band-pass filter with a center frequency fy =
2 kHz, a passband of 100 Hz, a stopband of 300 Hz, and a minimum stopband attenu-
ation of 20 dB. Using the FILDES program, it is found that this filter requires a fourth-
order implementation with the following individual-stage parameters: f = 1.948 kHz,
fu = 1.802kHz, fn = 2.053 kHz, f,; = 2.220 kHz, and @, = (7 = 29.48. More-
over, the actual attenuation at the stopband edges is 21.5 dB. Design such a filter using
the MF10 and an external op amp.

4.37 Using two MF10s, design an eighth-order 0.1-dB Chebyshev high-pass filter with
fe = 500 Hz and 0-dB high-frequency gain.
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Appendix 5A

If you have had the opportunity to experiment with the op amp circuits covered so far,
you may have noted that as long as the op amps are operated at moderate frequencies
and moderate dc gains there is generally a remarkable agreement between actual
behavior and behavior predicted by the ideal op amp model. Increasing frequency or
gain, however, is accompanied by a progressive degradation in performance because
various limitations come into play. The objectives of the present and following
chapters are to study these limitations systematically, to predict their effect on circuit
performance, and to find possible cures.

One of the most serious limitations is the fact that the open-loop gain is high
only from dc up (o a few hertz, and it decreases with frequency thereafter, causing a
progressive degradation in closed-loop performance. A related drawback is the fact
that there is a limit to how fast an op amp can respond to sudden changes at the
input. Frequency- and time-related limitations will be covered in Chapter 6.

Even if the operating frequencies are kept suitably low, other limitations come
into play. Generally designated as input-referred errors, they are particularly notice-
able in high-dc-gain applications. The most common ones are the input bias current
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I, the input offset current los, the input offset voltage Vos, and the ac noise densities
en and i,. Related topics are the thermal drift TC(V(s), the common-mode and the
power-supply rejection ratios CMRR and PSRR, and gain nonlinearity. These non-
idealities are generally impervious to the curative properties of negative feedback,
and their effects must be alleviated on a one-to-one basis by other means. Finally, in
order for an op amp to function properly. certain operating limits must be respected.
These include the maximum operating 1emperature, supply voltage, and power dis-
sipation, the input common-mode voltage range, and the output short-circuit current.
Except for ac noise, which will be covered in Chapter 7, all these limitations are
addressed in the present chapter.

However discouraging all this may sound, you should by no means relinquish
your confidence in the ideal op amp model, for it still is a powerful tool for a
prefiminary understanding of most circuits. Only in the course of a second, more
refined analysis does the user examine the impact of practical limitations in order to
identify the offenders and apply corrective measures, if needed.

To facilitate our study, we shall concentrate on one limitation at a time, assuming
the op amp to be otherwise ideal. [n practice, all limitations are present simultane-
ously; however, assessing their effects individually will allow us to better weigh
their relative importance and identify the most critical ones for the application at
hand.

In principle, each limitation can be estimated either by calculation or by com-
puter simulation once the op amp's internal circuit schematic and process parameters
are known. An alternative approach is to regard the device as a black box and utilize
the information available in the data sheets to model it and then predict its behav-
ior. If the actual performance does not meet the objectives, the designer will either
change the circuit approach or select a different device, or a combination of both,
until a satisfactory solution is found.

Proper interpretation of data-sheet information is, therefore, an integral part
of the design process. In the following sections, this procedure will be illustrated
using the 741 data sheets of Appendix 5A as a vehicle. Since space does not permit
the inclusion of data sheets for other devices, you are encouraged to build your
own library of linear products catalogs. Once you have learned to interpret the data
sheets of the 741, you can readily extend your skills to the interpretation of other
devices.

S.1
SIMPLIFIED OP AMP CIRCUIT DIAGRAM

Even though the data sheets provide all the information the user needs to know,
it is instructive to examine the simplified diagram' of Fig. 5.1 for an intuitive un-
derstanding of how the various op amp limitations originate. This diagram con-
tains the building blocks found in a wide variety of IC op amps, including the
popular 741, They are the input stage, the second, or intermediate, stage, and
the output stage. The following discussion is based on simple transistor theory,
but the unfamiliar reader may skip the rest of this section without serious loss of
continuity.
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FIGURE 5.1

Simplified op amp circuit diagram.

The Input Stage

This stage senses any imbalance between the inverting and noninverting input volt-
ages vy and vp, and converts it to a single-ended output current gy according
to

iot = gmivp —vN) 5.n

where g, is the input-stage transconductance. This stage is designed to also provide

high input impedance and draw negligibe input currents. As shown againin Fig. 5.2a, /

the input stage consists of two matched transistor pairs, namely, the differential pair

01 and Q5, and the current mirror Q3 and Q4. '
The input-stage bias current /4 splits between Q) and Q3. Ignoring transistor

base currents and applying KCL, we have

ici+ica =14 (5.2)

For a pnp transistor, the collector current ic is related to its emitter-base voltage
drop vgp by the well-known exponential law,

ic = Isexp(vep/ Vr) (5.3)

where /; is the collector saturation current and Vy the thermal voltage (Vr = 26 mV
at room temperature). Assuming matched BJTs ([, = 1,2), we can write

ic VEB| — VER2 vp—v
— =CXP(—_“) =Cxp(——~£) 5.4)
ic2 Vr Vr

WherewehaveusedvEm—vEm=vE|—vm—(v,gz—vuz)zvgz—v,“ =vp—vy.
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FIGURE 5.2
Input stage and its transfer characteristic.

In response to iy, Q3 develops a certain base-emitter voltage drop vgga. Since
VBE4 = vpE3. Q4 is forced to draw the same current as Q3, or ic4 = ic3; hence the
designation current mirror. But, ic3 = icy, so the first-stage output current is, by
KCL, ig) = icq4 —ic2 = ic1 — ic2. Solving Egs. (5.2) and (5.4) for icy and ica,
and then taking their difference, we get

vp —VN

io1 = I4 tanh
tol A 2VT

5.5
This function is plotted in Fig. 5.2b.

We observe that under the balanced condition vp = vy, I4 splits equally be-
tween () and 3, thus yielding i 91 = 0. However, any imbalance between vp and
vy will divert more of /4 through @y andless through Q3, or vice versa, thus yielding
ip1 #0. For sufficiently small imbalances, also referred to as small-signal condi-
tions, the transfer characteristic is approximately linear and is expressed by Eq. (5.1).
The slope, or transconductance, is found as g, =dig(/d(vp — VNMvp=vy. The
result is

1a

vy (5.6)

8m| =
Overdriving the input stage will eventually force all of 74 through @ and none
through Q,, or vice versa, thus causing i g to saturate at +14. The overdrive con-
ditions are referred to as large-signal conditions. From the figure we see that the
onset of saturation occurs for vp — vy = +4Vr = 100 mV. As we know, an
op amp with negative feedback normally forces vy to closely track vp, indicating
small-signal operation.

The Second Stage

This stage is made up of the Darlington pair Q5 and Q¢, and the frequency-
compensation capacitance C¢. The Darlington pair is designed to provide additional
gain as well as a wider signal swing. The capacitance is designed to stabilize the op
amp against unwanted oscillations in negative-feedback applications, a subject to
be addressed in Chapter 8. Since C. is fabricated on-chip, the op amp is said to be
internally compensated. By contrast, uncompensated op amps require that the com-
pensation network be supplied externally by the user. The 741 op amp is internally
compensated. A popular uncompensated contemporary is the 301 op amp.

The Qutput Stage

This stage, based on the emitter followers @7 and Qs3, is designed to provide low
output impedance. Though its voltage gain is only approximately unity, its current
gain is fairly high, indicating that this stage acts as a power booster for the second-
stage output.

Transistors (7 and Qg are referred to as a push-puli pair because in the presence
of a grounded output load, 7 will source (or push) current to the load during positive
output voltage swings, whereas Qg will sink (or pull) current from the load during
negative swings. The function of the diodes D; and Dj; is to develop a pair of pn-
junction voltage drops suitable for biasing (07 and Qg in the forward-active region
and thus minimize crossover distertion at the output.

The Input Stage of the 741 Op Amp

Figure 5.3 shows a more detailed diagram of the 741 input stage.% To cope with the
notoriously low current-gain 8 of lateral prp BJTs, the input drive is provided via
the npn BITs 0, and Q9, whose much higher 8£s ensure a higher input impedance
rq and lower input currents /p and Iy. These BJTs operate as voltage followers,
and the pnp BJTs Q3 and Q4 form a common-base differential pair. The addition
of the voltage followers halves the transconductance g, |, which is now

1a
=— 5.7
8mi avy (3.7)
Moreover, the large-signal transfer characteristic becomes
. vp — VN
= [4tanh ———— 5.8
ig) = I4tan vy (5.8)

As we proceed we shall use the following working values for the 741 op amp:
I4 =196 uAand Vr =259 mV,so gm = 189 uA/V.

SPICE Models

There are various levels at which an op amp can be simulated. In IC design, op amps
are simulated at the transistor level,? also called the micromodel level. Such a simu-
lation requires a detailed knowledge of both the circuit schematic and the fabrication
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FIGURE 5.3
Detailed diagram of the input stage of the 741 op amp.

process parameters. However, this proprietary information is not easily accessible
to the user. Even so, the level of detail may require excessive computation time or
may even cause convergence problems, especially in more complex circuit systems.

To cope with these difficulties, simulations by the user are usually carried out at
the macromodel level.* A macromodel uses a much reduced set of circuit elements
to closely match the measured behavior of the finished device while saving consid-
erable simulation time. Like any model, a macromodel comes with limitations, and
the user need be aware of the parameters the particular macromodel fails to simulate.
Macromodels are available from a number of manufacturers (Analog Devices,
Burr-Brown, Comlinear, Linear Technology, Maxim, National Semiconductor, Texas
Instruments), and can usually be downloaded via the World Wide Web.

The library file EVAL.LIB that comes with the student version of PSpice includes
a 741 op amp macromodel based on the so-called Boyle model® of Fig. 5.4. This
macromodel has been coded as a subcircuit named 1tA741. The user need not be
concerned with the actual subcircuit code, though if desired it can be printed out.
The user activates the macromodel via the following commands:

.1ib eval.lib
XOA vP wvN VCC VEE vO uA741

The first command instructs PSpice to look up the subcircuit in the EVAL.LIB file,
and appears only once. The second command activates the uA741 subcircuit.

4 1 (Veg)
Input stage —————+j¢—————  Second stage Outpul stage

FIGURE 5.4
741 op amp macromodel.

At times we may wish to focus on just one particular op amp feature and thus
develop an even simpler model on our own. A typical example is offered by the
frequency response, to be studied in Cliapter 6. Regardless of the model used, a cir-
cuit must eventually be breadboarded and tried out in the lab, where its behavior is
evaluated in the presence of parasitics and other factors related to actual circuit con-
struction, which computer simulation, unless properly instructed, fails to account for.

52
INPUT BIAS AND OFFSET CURRENTS

Practical op amps do draw small currents at their input pins. These currents cause
errors that may be of concern, depending on the application. The 741 input stage of
Fig. 5.3 reveals that Ip and Iy are the base currents needed to bias @ and Q5 in
the forward-active region. 0 and @ draw these currents automatically from the
external circuitry. In fact, for the op amp to function, each input terminal must be
Provided with a series dc path through which current can flow (we have seen an
€xample in connection with the GIC of Chapter 4). In the case of purely capacitive
termination the input current will charge or discharge the capacitor, making a periodic
reinitialization necessary. Barring exceptions to be addressed in the next section, /p
and I flow info the op amp if its input transistors are npn BJTs or p-channel JFETs,
and out of the op amp for pnp BJTs or n-channel JFETs.
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Because of unavoidable mismatches between the two halves of the input stage,
particularly between the Bps of Q) and @2, Ip and Iy will themselves be mis-
matched. The average of the two i the input bias current,

(5.9)
and their difference is called the input offset current,
los=1p— Iy (5.10)

Usually Ips is an order of magnitude smaller than /g. While the polarity of Ip
depends on the type of input transistors, that of fgs depends on the direction of
mismatch, so some samples of a given op amp family will have Jgg > 0, and others
Ios < 0.

Depending on the op amp type, /5 may range from nanoamperes to femtoam-
peres. The data sheets report typical as well as maximum values. For the 741C,
which is the commercial version of the 741 family, the room-temperature ratings
are: Ip = 80 nA typical, 500 nA maximum; /ps = 20 nA typical, 200 nA maxi-
mum. For the 741 E, which is the improved commercial version, /g = 30 nA typical,
80 nA maximum; Jos = 3 nA typical, 30 1A maximum. Both 7g and /s are tem-
perature dependent, and these dependences are shown in Figs. SA .8 and 5A 9, found
in the appendix at the end of this chapter. The aforementioned OP-77 op amp has
15 = 1.2 nA typical, 2.0 nA maximum; fgs = 0.3 nA typical, 1.5 nA maximum.

Errors Caused by Ip and Ips

A straightforward way of assessing the effect of the input currents is to find the
output with all input signals set to zero. We shall illustrate for two representative
cases, namely, the cases of resistive and capacitive feedback shown in Fig. 5.5.
Once we understand these cases, we can readily generalize to other circuits. Our
analysis assumes that the op amp, aside from the presence of Ip and Iy, is ideal.
There are many circuits that, once their active inputs are set to zero, reduce to an
equivalent circuit of the type of Fig. 5.5a, including the inverting and noninverting

R R,

{(a) th}

FIGURE 5.5
Estimating the output error due to the input bias currents for the
case of resistive and capacitive feedback.

amplifiers, the summing and difference amplifiers, J-V converters, and others. By
Ohm'’s law, the voltage at the noninverting input is Vp = — R,/ p. Using the superpo-
sition principle, we have vop = (14+R2/R|)Vp+Ra Iy = RyIy—(1 +Ry /Ry )Rplp,
orvg = Egp, where

R
Egp= (l + R‘?)[(Rl I R) Iy — Rplp] .11

This insightful form elicits a number of observations. First, in spite of the absence of
any input signal, the circuit yields some output E . We regard this unwanted output
as an error or, more properly, as output dc noise. S&ond, the circuit produces Eg by
taking an input error, or input de noise, and amplifying it by (1 + R2/R;), which is
aptly called the dc noise gain. Third, this input error consists of two terms, the voltage
drop —Rplp due to I'p flowing through R, and the voltage drop (R} Il R2)Ix
due to 7y flowing through the combination R || R;. Fourth, the two terms tend to
compensate for each other since they have opposite polarities.

Depending on the application, the error E¢p may be unacceptable and one must
devise suitable means to reduce it to a tolerable fevel. Putting Eq. (5.11) in the form

R
Eo = (1+ 22 JIlR I R2) ~ Ry)p = (R I Ra) + Rpllos/2)
reveals that if we install a dummy resistance R, as shown, and we impose
Rp = Ry | R (5.12)

then the term involving /g will be eliminated, leaving

R
Ep= (l + E.z‘)“’*' Il R)los (5.13)

The error is now proportional to /ps, which is typically an order of magnitude smaller
than either Ip or I .

Ep can be reduced further by scaling down all resistances. For instance, re-
ducing all resistance by a factor of 10 will leave gain unaffected, but will cause a
tenfold reduction in the input error —(R) || R2)Ios. Reducing resistances, however,
increases power dissipation, so a compromise will have to be reached. If E¢ is still
unacceptable, selecting an op amp type with a lower [gg rating is the next logical
step. Other techniques for reducing Ep will be discussed in Section 5.6.

EXAMPLE 5.1. In the circuit of Fig. 5.5a let Ry =22 k2 and R; =2.2 MQ, and let
the op amp ratings be /s = 80 nA and los = 20 nA. (a) Calculate E,, for the case
R, = 0. (b) Repeat, but with R, = R, |l R, in place. {c) Repeat part (&), but with all
resistances simultaneously reduced by a factor of 10. (d) Repeat part (c), but with the
op amp replaced by one with /o5 = 3 nA. Comment.

Solution.

(a) The dc noise gain is | + Ry/R, = 101V/V; moreover, (R, l| R;) = 22 k€2. With
R, =0, we have Eg = 101 x (R || R}y = 101 x (R: || R2)1s = 101 x 22 x
10° x 80 x 1077 = 175 mV.

s
Inp
Of1-



IR §
» Amp
lions

(b) With R, = R, || R, = 22k in place, Ep =101 x 22 x 103 x (£20 x 107%) =
144 mV, where we write 4" to reflect the fact that Ios may be of either polarity.

(c) With &) =2.2KkQ, Ry = 220kQ, and R, = 2.2k, we get Eg = 101 % 2.2 x
10® x (£20 x 10°%) = +4.4mV,

(d) Ep = 101 x2.2% 10° x (£3 x 107°) = +0.7 mV. Summarizing, with R, in place,
E is reduced by 4; scaling the resistances reduces Eo by an additional factor of
10; finally, using a better op amp reduces it by yet another factor of 7.

Turning next to the circuit of Fig. 5.5b, we note that we still have Vy = Vp=
— RpIp. Summing currents at the inverting-input node yields Vy /R + Iy —Ic = 0.
Eliminating Vy, we get

=1
Ie = %—(RIN — Rplp) = E[(R — Rp)g — (R+ Rp)lps/2] "~ (5.14)

Applying the capacitance law v = (1/C) Ji dt, we readily get " -/,r_‘p;e
vo(1) = Eot) +vo(0) AL
] 1
Eo(t) = I fo [(R— Rp}p — (R+ Rp)los/2} dE (5.16)

where vo(0) is the initial value of vp. In the absence of any input signal, we expect
the circuit to yield a constant output, or vo (1) = vg(0). In practice, besides vp (0),
it yields the output error Eq({t}), which is the result of integrating the input error
[(R—Rp)lg — (R+ Rp)lps/2] over time. Since Ig and lps are relatively constant,
we can write Eq{(1) = [(R — Rp)lp — (R + Rp)los/2le/ RC. The error is thus a
voltage ramp, whose tendency is to drive the op amp into saturation.

It is apparent that installing a dummy resistance R, such that

Rp=R 5.17)
will reduce the error to
1 !
=— | —Rigsd 518
Eo®) = o= fo 05 dE (5.18)

This error can be reduced further by component scaling, or by using an op amp with
a lower Igs rating.

EXAMPLE 52 In the circuit of Fig. 5.5blet R = 100k, C = 1 nF, and v (0) = 0 V.
Assuming an op amp with Jg = 80 nA, lgs = 20 nA, and 1V, = +13V, find how
long it takes for the op amp to enter saturation if (a) R, = 0, and () R, = R.

Solutjon,
(a) Theinputerroris RIy = Rip=10° x 80 x 107* =8mV.So,vp(t) =(Riy/RC)t =

80¢, which represents a positive voltage ramp. Imposing 13 = 80¢ yields 1 =
13/80 = 0.1625 s.

(b) The input error is now — Rlgs = +2 mV, indicating that the op amp may saturate at
either rail. The time it takes to saturate is now extended in proportion to 0.1625 x

80/20 = 0.65 .

Summarizing, to minimize the errors due to /g and Igg, adhere to the following
rules whenever possible: (2) modify the circuit so that the resistances seen by /p and

v

Iy with all sources suppressed are equal, that is, impose Rp = R; || Rz in Fig. 5.5a
and R, = R in Fig. 5.5b; (b) keep resistances as low as the application will allow;
(¢) use op amps with adequately low Iog ratings.

53
LOW-INPUT-BIAS-CURRENT OP AMPS

Op amp designers strive to keep I and lpg as small as other design constraints
allow. Following are the most common techniques.

Superbeta-Input Op Amps

One way of achieving low I gs is by using input BJTs with extremely-high current
gains. Known as superbeta transistors, these BITs achieve Brs in excess of 103
A/A by utilizing very thin base regions to minimize the recombination compomanl2
of the base current. This technique was pioneered with the LM308 op amp (National
Semiconductor), whose input stage is shown in Fig. 5.6a. The heart of the circuit
is the superbeta differential pair Q) and Q;. These BJTs are connected in cascode
with the standard-beta BJTs Q3 and Q4 to form a composite structure with high
current gain as well as high breakdown voltage. Q5 and Q¢ provide a bootstrapping
function to bias Q) and Q; at zero base-collector voltage regardless of the input
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_ s R Dy y
Inputs o—w/\?* s Q F [£9) b
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6 Inputs D
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y !
Vee Vee
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FIGURE 5.6

(a) Superbeta input stage, and (b) input-bias-current cancellation.
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common-mode voltage. This avoids the low-breakdown limitations of the superbeta
BITs and also reduces collector-base leakage: Superbeta op amps have typically
I =1 nA or less.

Input-Bias-Current Cancellation

Another popular technigue for achieving low Ips is current cancellation.2 Special
circuitry anticipates the base currents needed to bias the input transistors, then itself
supplies these currents internally, making the op amp appear to an outsider as if it
were capable of operating without any input bias current,

Figure 5.6b shows the cancellation scheme utilized by the OP-07 op amp (Analog
Devices). Once again, the heart of the circuit is the differential pair ) and Q3. The
base currents of Q| and Q5 are duplicated at the bases of common-base transistors
Q3 and Q4, where they are sensed by current mirrors @s-Ds and Qg-Dg. The
mirrors reflect these currents and then reinject them into the bases of Q) and Q»,
thus providing input-bias-current cancellation.

In practice, because of device mismatches, cancellation is not perfect, so the
input pins will still draw residual currents. However, since these currents are now
the result of a mismatch, they are typically an order of magnitude less than the actual
base currents. We observe that 7p and Iy may flow either into or out of the op amp,
depending on the direction of the mismatch. Moreover, Igs is of the same order of
magnitude as I'g, so there is no use installing a dummy resistance R, in op amps with
input-current cancellation. The OP-07 ratings are /g = +1 nA and Ips = 0.4 nA.

JFET-Input Op Amps

These devices realize the input-stage differential pair with junction ficld-effect tran-
sistors (JFETs), and the remaining circuitry with conventional BJTs. Now /g is the
JFET gate current, which is the reverse bias current of the pn junction between gate
and channel. At room temperature this current is typically on the order of a few tens
of picoamperes or less.

Figure 5.7 shows a simplified diagram of the LF356 biFET op amp, whose
JFETs are p-channel devices fabricated using ion implantation. Here J; and J;
form the differential input pair, J3 and J4 the active loads, @ and > the second
stage, and Q1 through Qs the output stage. The room-temperature ratings for the
LF356 are I'g =30 pA and Ips = 3 pA. The AD549 (Analog Devices) and OPA 129
(Burr-Brown) op amps use special JFET structures and isolation techniques to
achieve Ig < 100 fA. These devices find application in electrometer, ion gauge,
and photodetector amplifiers.

MOSFET-Input Op Amps

When the differential input pair is implemented with metal-oxide-silicon FETs
{MOSFETs), I is the leakage current of the gate-channel capacitor. This current
is typically in the range of a few picoamperes. In BIMOS op amps the input pair is
in MOS technology and the rest of the circuitry in bipotar. However, op amps are

25k2

23

SECTIOM
Low-Inpu
Current
Amp

23]

Q
b,

I

s

FIGURE 5.7
Circuit diagram of the LF356 biFET op amp. (Courtesy of National Semiconductor.)

also available entirely in MOSFET technology, either as stand-alone devices, or as
part of complex systems such as switched-capacitor filters. The stand-alone types
are usually implemented in complementary MOS (CMOS) technology.

Figure 5.8 shows a simplified diagram of the TLC279 CMOS op amp, which uses
p-channel transistors M; and M, as the differential input pair, n-channel transistors

Vopo—¢ ' N
ML-'L M’El M"l—"'_l HM
s |} — % —] r—l 1
ot
. R| RZ
= O\ M, M, — M,
Inputs -
+ 0o~ -
R, Ce
— W Ou
| M,
M, M, M, M
P [ ] Mg 12— 1
Ry D'y R T 'JF' D, Ry
GND 0—¢ + <+ <
FIGURE 5.8

Circuit diagram of the TLC279 CMOS op amp. (Reprinted by permission of Texas Instru-
ments.)
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M, and My as active loads, Me as second stage, and Mg and Mg as output stage.
Typical room-temperature ratings are I3 = 0.7 pA and Ios = 0.1 pA.

Input-Bias-Current Drift

Figure 5.9 compares typical input-bias-current characteristics for different input-
stage arrangements and technologies. We observe that in BJT-input devices Ig tends
to decrease with temperature, owing (o the fact that fF increases with temperature,
However, for JFET-input devices, /p increases exponentially with temperature. A
well-known rule of thumb states that the reverse-bias current of a pn junction, whether
it is that of a diode or of a YFET, doubles for every 10 °C increase. Once we know
Ig at some reference tcmpera'fure Ty, we can predict it at any other temperature T
using

6

MOSFET-input op amps are equipped with input protective diodes to prevent
damage due to electrostatic discharge. Consequently, the leakage of these diodes
causes a similar Ig drift also in MOSFET-input op amps, though the gate current
of a MOSFET is inherently much less sensitive to temperature than that of a JFET.
The low-current advantages of FET-input op amps over their BJT-input counter-
parts tend to disappear at higher temperatures. Knowledge of the intended operating
temperature range is an important factor when selecting the optimal device.

IB(T) = 1B(T0) x 2(T‘To)/l[)

1 nA

g
3

Input bias current Jy

10 pA

1pA
pO

FIGURE 5.9
Typical input-bias-current characteristics.

Ip at 100 °C.

I EXAMPLE 53. A certain FET-input op amp is rated at Iz = 1 pA at 25 °C. Estimate
Solution. [5(100°C) = 10~2 x 2000-B)/10 = )18 A,

Input Guarding

When applying op amps with ultralow input bias current, special attention must
be paid to wiring and circuit construction in order to fully realize the capabilities
of these devices. Data sheets usually provide helpful guidelines in this respect. Of
special concern are leakage currents across the printed-circuit board. They can easily
exceed Ig itself and thus defeat what has been so painstakingly achieved in terms
of circuit design.

FIGURE 5.1
Guard-ring layout and connections.

The effect of leakage can be reduced significantly by using guard rings around
the input pins. As shown in Fig. 5.10, a guard consists of a conductive pattern held
at the same potential as v p and v . This pattern will absorb any leakages from other
points on the board and thus prevent them from reaching the input pins. Guard rings
also act as shields against noise pickup. For best results, board surfaces should be
kept clean and moisture-free. If sockets are required, best results are obtained by
using Teflon sockets or standoffs.

i
5.4
INPUT OFFSET VOLTAGE

Shorting together the inputs of an op amp should yield vo =a(vp — vy) = a x
0 = 0 V. However, because of inherent mismatches between the input-stage halves
processing v p and v, a practical op amp will generally yield vg # 0. To force v
10 zero, a suitable correction voltage must be applied between the input pins. This is
lantamount to saying that the open-loop VTC does not go through the origin, but is
shifted either to the left or to the right, depending on the direction of the mismatch.
This shift is called the input offset voltage Vos. As shown in Fig. 5.11, we can model
4 practical op amp with an ideal or offsetless op amp having a tiny source Vs in
series with one of its inputs. The VTC is now

vo =alvp + Vos — vy (5.20)
To drive the output to zero, we need vp + Vos — vy = 0, or
= V,
. ‘v_fN vp + Vos 3.2

Note that because of Vos'. we now have vy #vp.
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Practical op amp

Ideal op amp

/ a 0 Uy O—-—.
Vp- VN
/' 0
Vo5 Vp O

Vo,

Yo

{a) ¥e))

FIGURE 5.11
VTC and circuit model of an op amp with input offset voltage Vps.

As in the case of Ips, the magnitude and polarity of Vgg varies from one sample
to another of the same op amp family. Depending on the family, Vpg may range from
millivolts to microvolts. The 741 data sheets give the following room-temperature
ratings: for the 741C, Vps=2 mV typical, 6 mV maximum; and for the 741E,
Vos = 0.8 mV typical, 3 mV maximum. The OP-77 uitralow offset voltage op amp
has Vs = 10 uV typical, 50 £V maximum.

Errors Caused by Vg

As in Section 5.2, we shall examine the effect of Vpg for the resistive-feedback
and capacitive-feedback cases of Fig. 5.12. Note that we are omitting the dummy
resistance R p since the present analysis deliberately ignores I3 and /g5 to focus on
Vos alone. In Section 5.6 we shall address the general case in which /g, los, and
Vos are present simultaneously.

InFig. 5.12a, the offset-free op amp acts as a noninverting amplifier with respect
to Vos. so vo = Ep, where

R
Eo = (1 + R—z) Vos G2
|
R Vos Ry
= vo
Vos -
1 idcatopamp 1 ideatopamp
(a) (b)
FIGURE §.12
Estimating the output error due to Vg5 for the case of resistive and
capacitive feedback.

el

is the output error, and (1 + R3/Ry) is again the dc noise gain. Clearly, the larger
the noise gain, the larger the error. For instance, with R = R3, a 741C op amp
yields Eg = (14 1) x (2 mV) = £4 mV typical, (1 + 1) x (6 mV) = £12 mV
maximum. However, with Ry = 103R,, it yields Ego = (1 + 10%) x (£2 mV) =
42 V typical, +6 V maximum—quite an error! Conversely, we can use the present
circuit to measure Vgg. For instance, let Ry = 102 and Ry = 10 k2, so that the dc
noise gain is 1001 V/V and the combination R, || R, is sufficiently small to make
the effect of Iy negligible. Suppose we measure the output and find Eg = ~0.5 V.
Then, Vos = Ep /1001 = —0.5 mV, a negative offset in this specific example.

In the circuit of Fig. 5.12b we note that since the offset-free op amp keeps
Vn = Vos, we have Ic = Ip = Vps/R. Using again the capacitance law, we get
vo (1) = Eg(t) 4+ vo(0), where the output error is now

f
Eo)= o5 /0 Vos dt < 5.23)

or Eo(t) = (Vos/RC)t. This voltage ramp, resulting from the integration of Vps
over time, tends, as we know, to drive the op amp into saturation.

Thermal Drift

Like most other parameters, Vs is temperature-dependent, a feature expressed in
terms of the temperature coefficient
Vos

TC(Vos) = 3T (5.24)

where T is absolute temperature, in kelvins, and TC(Vgs) is in microvolts per degree
Celsius. For low-cost, general-purpose op amps such as the 741, TC{Vps) is typically
on the order of 5 £ V/°C. Thermal drift stems from inherent mismatches as yvell as
thermal gradients across the two halves of the input stage. Op amps specifically
designed for low-input offset also tend to exhibit lower thermal drifts, thanks to
superior matching and thermal tracking at the input stage. The OP-77 has TC(Vps) =
0.1 uV/°C typical, 0.3 £ V/°C maximum. 4

Using the average value of the temperature coefficient, one can estimate Vos at
a temperature other than 25 °C as

Vos(T) = Vos(25°C) + TC(VOS.)_avg x (T -25°C) (5.25)

For instance, an op amp with Vgs(25 °C) = 1 mV and TC(Vos)avg = 5 wuVrC
would have Vgs(70 °C) = 1 mV + (5 V) x (70 — 25) = 1.225 mV.

Common-Mode Rejection Ratio (CMRR)

In the absence of input offset, an op amp should respond only to the voltage di ﬁert_:l!ce
between its inputs, of vop = a(vp — vn)- A practical op amp is somewhat sensitive
also to the common-mode input voltage vem = (vp + v )/2. Its transfer character-
istic is thus vo = a(vp — vn) +acmvcM. where a is the differential-mode gain, and
dcm is the common-mode gain. Rewriting as vo = alvp — vy + (@cm/a)vem], and
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recalling that the ratio a /acm is the common-mode rejection ratio CMRR, we have

YCM
1 75) _a(vP + CMRR VN)

Comparison with Eq. (5.20) indicates that the sensitivily to vcy can be modeled
with an input-offset-voltage term of value vom /CMRR. The common-mode sensi-
tivity stems from the fact that a change in vy will alter the operating points of the
input-stage transistors and cause a change at the output. It is comforting to know
that such a complex phenomenon can be reflected to the input in the form of a mere
offset error! We thus redefine the CMRR as

- i 3Vps

CMRR ~ dveum (5.26)

and interpret it as the change in Vgg brought about by a 1-V change in vou. We
express 1/CMRR in microvolts per volt. Because of stray capacitances, the
deteriorates with frequency. Typically, it is high from dc to a few tens or a few
hundreds of hertz, after which it rolls off with frequency at the rate of —20 dB/dec.

Data sheets usually give CMRR in decibels. As we know, the conversion to
microvolts per volt is readily accomplished via

| _ |0~CMRRs/20
CMRR

where CMRRgp represents the decibel value of CMRR. From Fig. 5A.4, the dc
ratings for the 741 op amp are CMRR4g = 90 dB typical, 70 dB minimum, indicating
that Vs changes with vcy at the rate of 1/CMRR = 107%0/20 = 31 6 4 V/V typical,
and 10~79/20 = 316 12 V/V maximum. The OP-77 op amp has 1/CMRR = 0.1 uV/
V typical, 1 #V/V maximum. Figure 5A.6 shows that the CMRR of the 741 starts
to roll off just above 100 Hz.

Since op amps keep vy fairly close to v p, we can write vey = v p. The CMRR
is of no concem in inverting applications, where vp =0. However, it may pose
problems when vp is allowed to swing, as in an instrumentation amplifier.

527

EXAMPLE 54. The difference amplifier of Fig. 2.13 uses a 741 op amp and a perfectly
matched resistance set with R, = 10 k2 and R, = 100 kS2. Suppose the inputs are tied
together and driven with a common signal v;. Estimate the typical change in vg if (a) v/
is slowly changed from 0% 10 V, and (&) v; is a 10-kHz, 10-V peak-to-peak sine wave.

Solution.

{a) At dc we have 1/CMRR =10-"92 =316 uV/V, typical. The common-mode
change at the op amp input pins is Avp =[R:/(R| + R2)}Av,; =[100/(10+
100)]10=9.09 V. Thus, AVps =(1/CMRR)}Avp =31.6 X 9.09 == 287 uV,. The d¢
noise gain is } + R2/R) = 11 V/V. Hence, Avp = 11 x 287 =3.16 mV.

{b) From the CMRR curve of Fig. 5A.6 we find CMRR4g(10 kHz) = 57 dB. So,
1/CMRR = 10~/ = | 4] mV/V, AVgs = 1.41 x 9.09 = 12.8 mV (peak-

to-peak), and Avp = 1l x 12.8 = 0.141 V (peak-to-peak). The output error at

10 kHz is much worse than at dc.

Power-Supply Rejection Ratio (PSRR)

If we change one of the op amp supply voltages Vs by a given amount AV, the
operating points of the internal transistors will be altered, generally causing a small
change in vg. By analogy with the CMRR, we mode! this phenomenon with a change
in the input offset voltage, which we express in terms of the power-supply rejection
ratio (PSRR) as (1/PSRR) x AVs. The parameter

1 aVos

—_— = (5.28)
PSRR  3Vs

represents the change in Vg brought about by a 1-V change in Vg, and is expressed
in microvolts per volt. Like the CMRR, the PSRR deteriorates with frequency.
Some data sheets give separate PSRR ratings, one for changes in V¢ and the
other for changes in Vgg. Others specify the PSRR for Voc and Veg changing
symmetrically. The PSRR4p ratings of most op amps fall in the range of 80 dB to
120 dB. The devices of superior matching usuaily offer the highest PSRRs. From
Fig. 5A.4, the 1/PSRR ratings for the 741C, which are given for symmetric supply
changes, are 30 uV/V typical, 150 £ V/V maximum. This means that changing, for
instance, the supply voltages from +15 Vo £+12 Vyields AVps = (1/PSRR)A Vs =
(30 uV)(15 — 12) = £90 uV typical, £450 1V maximum. The OP-77 op amp has
1/PSRR =0.7 uV/V typical, 3 uV/V maximum.
When the op amp is powered from well-regulated and properly bypassed sup-
plies, the effect of the PSRR is usually negligible. Otherwise, any variation on the
supply busses will induce a corresponding variation in Vs, which in tumn is ampli-
fied by the noise gain. A classical example is offered by audio preamplifiers, where
the residual 60 Hz (or 120 Hz) ripple on the supply rails may cause intolerable hum
at the output. Another case in point is offered by switchmode power supplies, whose
high-frequency ripple is usually inadequately rejected by op amps, indicating that
these supplies are unsuited to high-precision analog circuitry,

{
EXAMPLE 85. A 741 op amp is connected as in Fig. 5.12a with R, =100 Q and
R; =100 k2. Predict the typical as well as the maximum ripple at the output for a
power-supply ripple of 0.1 V (peak-to-peak) at 120 Hz,

Solution. The 741 data sheets do not show the PSRR rolloff with frequency, so let us use
the ratings given at dc, keeping in mind that the results will be optimistic. The induced
ripple at the input is AVgs = (30 pV)0.1 = 3 xV typical, 15 4V maximum (peak-
to-peak). The noise gain is 1 + R/R; = 1000 V/V, so the output ripple is Avg =
3 mV typical, 15 mV maximum (peak-to-peak).

Change of Vg with the Output Swing

In a practical op amp the open-loop gain « is finite, so the difference vp — vy
changes also with the output swing Avg by the amount Avp /a. This effect can
Conveniently be regarded as an effective offset voltage change AVps = Avp/a.
Even an op amp with Vos = 0 for vo = 0 will exhibit some input offset for v 0.
For instance, to sustain vo =10 V with a=10° V/V, such an op amp requires
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Vos = 10/ 10° = 100 V. This must be taken into account if we wish to continue
using the model of Fig. 5.115.

We sumsmarize this section by writing a general expression for Vpg in terms of
the various operating changes affecting it,
AVs  Avg

CMRR PSRR + a (5-29)

where Vogp, the initial input offset voltage, is the value of Vpg at some reference
operating point, such as ambient temperature, nominal supply voltages, and v, and
vo halfway between the supply voltages. This parameter itself drifts with time,
As an example, the OP-77 has a long-term stability of 0.2 uV/month. In error-
budget analysis, the various offset changes are combined additively when we wish
to estimate the worst-case change, and in root-sum-square (rss) fashion when we
are interested in the most probable change.

Vos =

EXAMPLE 56 An op amp has the following ratings: a = 10° V/V typical, 10* V/V
minimum, TC(Vps)awg =3 pV/°C, and CMRRyg =PSRR4p = 100 dB typical, 80 dB
minimum. Estimate the worst-case as well as the most probable change in Vg over
the following range of operating conditions: 0°C < T < 70°C, Vs = £I5V % 5%,
~1V<vp<+IV,and=5V <vp £ 45V,

Solution. The thermal change from room temperature is AVps, = (3 uV/C)(70 -
25)°C =135 uV. With 1/CMRR = 1/PSRR = 10~'%/20 = 10 ,¢V/V typical, 100 xV/
V maximum, the changes with vp and Vg are AVps; = (1 V)/CMRR = +10 4V
typical, £ 100 4V maximum; AVpsz = 2 x (+£0.75 V)/PSRR = £15 uV typical,
+150 £V maximum. Finally, the change with vg is AVpse = (£5 V}/a =150 uV typi-
cal, 500 1V maximum. The worst-case change in Vg is £(135 + 100+ 1504 500) =
885 1 V. The most probable change is £(1357 + 107 4 152 + 502)1/2 = +145 uV,

55
LOW-INPUT-OFFSET-VOLTAGE OP AMPS

The initial input offset voltage Visp is due primarily to device mismatches and bias
imbalances in the input stage.

Bipolar Op Amps

Let us return to the simplified input stage of Fig. 5.2a. Taking mismatches between
Q) and Q3 into account, we rewrite Eq. (5.4) as ic(/ic2 = (Is1/Is2) expl(vp —
v/ Vrlorvp —vy = Vrnl(ici/ic2)Us2/ Is1)]. Similarly, ic3/ica = I3/ 1sa-
In order to drive i to zero, we need, by definition, vy = vp + Vgs. But, vy =
vp + Vrin[(I;4/153) 51/ I52)], where we have used ic3 = icy and icq = ic2 to
letici/icz = ic3/ics = Iv3/Isa. Thus,

Vos = Vpin 121 st (5.30)

112 'ﬂ

With V7 = 26 mV and /; mismatches on the order of 5%, Vs is typically in the
range of | mV to 2 mV at room temperature. Moreover, given that V7 = kT/q,

where k is Boltzmann's constant, g the electron charge, and T absolute temperature,
we readily find

\/
TC(Vos) = % (5.31)

Thus, at room temperature (T = 300 K), a bipolar input stage exhibits a TC(Vps)
of about 3.3 £ V/°C for every millivolt of offset voltage.

Further insight can be gained by examining the expression for the BJT saturation
current,

qDg Ag

where Dp and Ng are the minority-carrier diffusion constant and the doping con-
centration in the base region; n;(T') is the intrinsic carrier concentration, a strong
function of temperature; and Ag and Wp are the emitter-junction area and the base
width.

The first class of mismatches stems from fabrication process variations, such as
mask resolution, which affects Ag, and diffusion process nonuniformities, which
affect Ng and Wpg. In the design of low-offset op amps, these mismatches are reduced
by increasing input-stage device geometries and sizes? to make the above parameters
less sensitive to edge resolution and diffusion irregularities. In the case of MOSFET-
input op amps, large transistor sizes also improve noise performance, an issue we
shall address in Chapter 7.

The second class of mismatches stems from thermal gradients and process-
related gradients across the chip. Thermal gradients, in particular, tend to affect n; (T)
significantly. The input-stage sensitivity to gradients is reduced by a symmetrical
device placement technique known as common-centroid layout. 2 As exemplified in
Fig. 5.13 for a differential input pair, each transistor is made up of two identical
halves connected in parallet, but laid out diagonally opposite to each other. The
resulting quad structure prevides a multifold symmetry that tends to cancel out the
effects of gradient-induced mismatches.
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FIGURE 5.13

Common-centroid topology: (a) layout and (b) interconnections.
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FIGURE 5.14
On-chip Vps trimming using shortable links.

Another method of reducing the initial offset is on-chip trimming, which is
carried out by means of a laser trim or by selectively shorting or opening suitable
trimming links in the circuit. As illustrated in Fig. 5.14 for a resistively loaded
differential pair, each collector resistor is made up of a fixed part R, in series with
an adjustable part consisting of a binary-weighted resistance string with R <« R,
and the corresponding trimming links. During the wafer probing stage, the offset is
measured and then nulled by unbalancing one of the load resistances either through
selective short-circuiting, also referred to as Zener zapping, or through selective
open-circuiting of suitable fusible links.2 In general, trimming Vo will also trim
TC(Vps) for BIT-input op amps.5 By contrast, FET-input op amps require separate
wimmings for Vos and TC(Vgs).

Figure 5.15 shows the diagram of the OP-27 (Analog Devices), a popular
precision op amp combining common-centroid layout with on-chip trimming 10
achieve, with the OP-27E version, Vps = 10 uV typical, 25 uV maximum; and
TC(Vos) = 0.2 uV/°C typical, 0.6 uV/°C maximum. Also shown in the diagram
is an interesting variant of the input-bias-current cancellation scheme. The market
offers a number of other bipolar products with comparable characteristics.
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FIGURE 5.1%

-27 op amp: R, and R; are adjusted at wafer test for minimum offset voltage.

Simplified circuit diagram of the OP.

{Courtesy of Analog Devices.)
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FET-Input Op Amps

Though in the past FET-input op amps were considered inferior to their BFT-input
counterparts in terms of matching and tracking capabilities, it is nevertheless possible
to achieve respectable performance through a combination of design, layout, and
on-chip trimming. -

Examples of precision JFET-input op amps are the AD547L (Analog Devices),
with Vo5 =250 uV and TC(Vps) =1 uV/°C maximum; the OPA627B (Burr-
Brown), with Vgs =40 1V and TC(Vgs) =0.4 uV/°C typical; and the LT1055A
{Linear Technology) with Vgs = 50 'V and TC(Vps) = 1.2 uV/°C typical.

Examples of precision CMOS op amps are the LMC6064A (National Semicon-
ductor) with Vos = 100 &V and TC(Vos) = 1 uV/°C typical, and the TLC279C
(Texas Instruments) with Vgs = 370 uV and TC(Vps) = 2 uV/°C typical.

Autozero and Chopper-Stabilized Op Amps

On-chip trimming nulls Vs at a specific set of environmental and operating condi-
tions. As these conditions change, so does Vgs. To meet the stringent requirements
of high-precision applications, special tdchniques have been developed to effectively
reduce the input offset as well as low-frequency noise even further. Two popular such
methods are the autozero (AZ) and chopper stabilization (CS) techniques. The AZ
technique is a sampling technique’ that samples the offset and low-frequency noise
and then subtracts it from the contaminated signal to give offset-free appearance.
The CS technique is a modulation technique’ that modulates the input signal to a
higher frequency where there is no dc offset or low-frequency noise, and then de-
modulates the amplified signal thus stripped of offset and low-frequency errors back
to the baseband.

Figure 5.16 illustrates the AZ principle for the case of the ICL76508 op amp
(Harris Semiconductor), the first popular op amp to realize this technique in mono-
lithic form. The heart of the device is OA|, a conventional, high-speed amplifier
referred to as the main amplifier. A second amplifier, called the nuiling amplifier and
denoted as OA,, continuously monitors OA1’s input offset error Vps; and drives it

Yy O -
0A,4 vo
vp O— +1 Nl
c
'T s
A
L,
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FIGURE 5.16

Chopper-stabilized op amp (CSOA).

to zero by applying a suitable correcting voltage at OA;’s null pin. This mode of
operation is called the sampling mode.

Note, however, that OA; too has an input offset Vo2, so it must correct its own
error before attempting to improve OAy's error. This is achieved by momentarily
disconnecting OA; from the main amplifier, shorting its inputs together, and coupling
its output to its own null pin. This mode, referred to as the autozero mode, is activated
by flipping the MOS switches from the § (sampling) position to the A (autozero)
position. During the autozero mode, the correction voltage for OA) is momentarily
held by C|, which therefore acts as an analog memory for this voltage. Similarly,
C; holds the correction voltage for OA; during the sampling mode.

Alternation between the two modes takes place at a typical rate of a few hundred
cycles per second, and is controlled by an on-chip oseillator, making the AZ operation
transparent to the user. The error-holding capacitors (0.1 uF for the aforementioned
ICL76508) are supplied off-chip by the user. The room-temperature rating for the
ICL76508S is Vos = £0.7 uV.

Like AZ op amps, CS op amps also utilize a pair of capacitors to realize the
modulation/demodulation function. In some devices these capacitors are encapsu-
lated in the IC package itself to save space. Examples of this type of CS op amp are
the LTC1050 (Linear Technology) with Vos = 0.5 £V and TC(Vgs) = 0.01 uV/°C
typical, and the MAX420 (Maxim) with Vs = 1 uV and TC(Vos) = 0.02 pV/°C.

The impressive dc specifications of AZ and CS op amps do not come for free,
however. Since the nulling circuit is a sampled-data system, clock-feedthrough noise
and frequency aliasing problems arise, which need be taken into consideration when
selecting the device best suited to the application.

AZ and CS op amps can be used either alone or as part of composite amplifiers
to improve existing input specifications.®: To fully realize these specifications,
considerable attention must be paid to circuit board layout and constmuction.$-2 Of
particular concern are input leakage currents and thermocouple effects arising at the
junction of dissimilar metals. They can grossly degrade the input specifications of
the device and completely defeat what has been so painstakingly achieved in terms
of circuit design. Consult the data sheets for valuable hints in this regard.

5.6
INPUT OFFSET-ERROR COMPENSATION

We are now ready to investigate the effect of /os and Vps acting simultaneously.
We begin with the familiar amplifiers of Fig. 5.17 (ignore the 10-k$2 potentiometers
for the time being).

Using Egs. (5.13) and (5.22), along with the superposition principle, it is readily
seen that both circuits yield

vo = Agvi + Ep (5.33a)

R i
Eo = (1 + R—f) [Vos - (R I Ra)los] = 5E: (5.33b)

}Vhere As = —Ry/ R\ for the inverting amplifier, and A; =1 + Ry/R for the non-
inverting one. We call A the signal gain to distinguish it from the dc noise gain,
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FIGURE 5.17
Inverting and noninverting amplifiers with internal offset-error nulling.

whichis 1/8 = 1 + R/ R\ for both circuits. Moreover, E; = Vog — (R || R2)los
is the rotal offset error referred to the input, and E g the total offset error referred
to the outpus. The negative sign does not necessarily imply a tendency by the two
terms 1o compensate for each other, since Vps and lgs may be of either polarity. A
prudent designer will take a conservative viewpoint and combine them additively.

The presence of the output error Eg may or may not be a drawback, depending
on the application. In audio applications, where dc voltages are usually blocked out
through capacitive coupling, offset voltages are seldom of major concern. Not so
in low-level signal detection, such as thermocouple or strain-gauge amplification,
or in wide dynamic-range applications, such as logarithmic compression and high-
resolution data conversion. Here v; may be of comparable magnitude to E, so its
information content may easily be obliterated. The problem then arises of reducing
E; below a tolerable level.

Turning next to the integrator of Fig. 5.18, we use Egs. (5.18) and (5.23) and

the superposition principle to write
1
vo(t) = —-—f [vi&)+ Ef1dE +vo(0) (5.34a)
RC Jfo

Ey = Rlgs — Vos (5.34b)

L——-O Yo

FIGURE §.18
Integrator with internal offset-error
nuiling.

Now the effect of Vos and los is to offset v; by the error E;. Even with v 1 =0,the
output will ramp up or down until saturation is reached.

The input-referred error £ in Eqs. (5.33b) and (5.34b) can be nulled by means
of a suitable trimmer, as we are about to see. However, as we know, trimmers
increase production costs and drift with temperature and time. A wise designer will
try minimizing E; by a combination of circuit tricks, such as resistance scaling and
op amp selection. Only as a last resort should one trn 1o trimmers. Offset nulling
techniques are classified as internal and external.

Internal Offset Nulling

Internal nulling is based on the deliberate unbalancing of the input stage to make up
for inherent mismatches and drive the error to zero. This imbalance is introduced
by means of an external trimmer, as recommended in the data sheets. Figure 5.3
shows the trimmer connection for the internal nulling for the 741 op amp. The input
stage consists of two nominally identical halves: the Q1-03-0Qs- R, half 10 process
vp and the 03-04-Qsg-R2 half 10 process vy. Varying the wiper away from its
center position will place more resistance in parallel with one side and less with the
other, thus unbalancing the circuit. To calibrate the amplifiers of Fig. 5.17, we set
vt =0 and we adjust the wiper for vp = 0. To calibrate the integrator of Fig. 5.18,
wfeos;l vi = 0 and we adjust the wiper for v as steady as possible in the vicinity
of OV,

. From the 741C data sheets of Fig. SA.3, we note that the offset-voliage ud-
Justment range is typically £15 mV, indicating that for this compensating
scheme to succeed we must have |Ej} < 15 mV. Since the 741C has Vos = 6
mV maximum, this leaves 9 mV for the offset term due to los. If this term ex-
ceeds 9 mV, we must either scale down the external resistances or resort to external
nulling, to be discussed below. i

EXAMPLE 57. A 7_4!C op amp is to be used in the circuit of Fig. 5.17a to yield
A; = —10 V/V. Specify suitable resistances that will maximize the input resistance R,
of the circuit.

Solution. Since R; = Ry, we need to maximize R\.Imposing R; = 10R), and Vi e, +
(Ry || R) osimaxy < 15 mV, we get Ry | R2 < (15 mV — 6 mV)/(200 nA) = 45 kQ, or
/R, + 1/10R, = 1/(45 k). Solving yields R, < 49.5 kS2. Use the standard values
R =47xQ, Ry = 470k, and R, =43k

Internal offset nulling can be applied to any of the circuits studied so far. In
lg;l?neral, !he .nulling sct{eme varies from one op amp family to another. For instance,
. 5-55.7 lndlcatt_:s that internal nulling of the LF356 op amp is accomplished with
oy -kQ potcn.uometer' with the wiper at Vcc. To find the recommended nulling

eme for a given device, consult the data sheets. We observe that dual- and quad-
°P'f‘mp packages usually do not have provisions for intemnal nulling due to lack of
available pins.
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External Offset Nulling

External nulling is based on the injection of an adjustable voltage or current into
the circuit to compensate for its offset error. This scheme does not introduce any
additional imbalances in the input stage, so there is no degradation in drift, CMRR,
or PSRR.

The most convenient point of injection of the correcting signal depends on the
particular circuit. For inverting-type configurations like the amplifier and integrator
of Fig. 5.19, we simply lift R, off ground and return it to an adjustable voltage Vy.
By the superposition principle, we now have an apparent input error of E; + Vy,
and we can always adjust Vy (o neutralize E;. Vy is obtained from a dual reference
source, such as the supply voltages if they are adequately regulated and filtered. In
the circuits shown, we impose Rg 3 R lo avoid excessive loading at the wiper,
and R4 « R, to avoid perturbing the existing resistance levels. The calibration
procedure is similar to that for internal nulling.

R, R, R c

Vx

R, (small)

(a) )]

FIGURE 5.19
External offset-error nulling for the inverting amplifier and integrator.

EXAMPLE 58. A 741C op amp is to be used in the circuit of Fig. 5.19a to yield A; =
—53 V/V and R, = 30 k. Specify suvitable resistances.

Solution. R, = 30k, R, = 5R, = 150k, and R, = R || R; = 25kQ. Use the
standard value R, = 24 k€2, and impose R4 = 1 k§2 to make up for the difference. We
have El(maxl = V()S(mn] +(R RZ)’OS(man =6mV + (25 k) x (200 ﬂA) =11 mV.
To be on the safe side, impose —15mV < Vx < 15 mV. Thus, with the wiper all the
way up, wewant R, /(R4 + Rg) = (15 mV)/(15 V), or Rg = 10°R, = | MG Finally,
choose Re = 100 kQ.

In principle, the foregoing scheme can be applied to any circuit that comes with
a dc return to ground. In the circuit of Fig. 5.20, Ry has been lifted off ground and
returned to the adjustable voltage Vy. To avoid upsetting the signal gain we must
impose Req &« R}, where Req is the equivalent resistance of the nulling network as
seen by R (for Ry « Rp we have Req = R4.) Alternatively, we must decrease R)
to the value Ry — Req.

FIGURE 5.20
External offset-error nulling for the ngninverting amplifier.

EXAMPLE 59. Assuming a 741C op amp in Fig. 5.20, specify suitable resistances for
(@) A; =5 VIV, and (b) A, =100 V/V. =

Solution.

(a) We want A; =1+ Ry/Ry=35,0r Ry = 4Ry. Pick R} = 25.5kQ, 1%, and R; =
102 k€2, 1%. Then R, = 20 k2. Moreover, Eoman = (1/B)E1(mary = 5[6 MV +
(20 k§2) x (200 nA)] = 50 mV. To balance this out we need Vy = Eg(nan)/(— R2/
R)) = 50/(—4) = —12.5 mV. Pick a range of 15 mV to make sure. To avoid
upsetting A, choose R, <« Ry, say, Ry = 100Q.Then, imposing R /(Ra+Rp) =
(15 mV)/(15 V) yields Rg = 10°R4 = 100 k. Finally, let Rc = 100 k2.

(h) Now 1 +R2/R| = I()O, or Rz =9‘9R|. Let R2= 100 kﬂ, SO R| = 1010 Q. If we
were to use R4 = 100 Q as before, R, would no longer be negligible compared
to Ry. Solet Ry = 909 , 1%, and R, = 1010 — 909 = 101 £2 (use 102 Q,
1%), so that the series (Ry + R,4) still ensures A, = 100 V/V. Moreover, let R,
1 k2. Then, Egumaxy = 1006 mV + (1 k) x (200 nA)} = 620 mV, and Vyx
E oiman/(— R2/ Ry) = 620/(—10°/909) = —5.6 mV. Pick a rangt of £7.5mV 10
make sure. Imposing R4/(Ra + Rg) = (7.5 mV)/(15 V) gives Rg = 2000R, =
200 k2. Finally, let R = 100 kS2.

0o

In multiple-op-amp circuits it is worth seeking ways of nuiling the cumulative
offset error with just one adjustment. A classic example is offered by the triple-op-
amp [A, where other critical parameters may also need adjustment, such as gain and
CMRR.

In the circuit of Fig. 5.21, the voltage Vy is buffered by the low-output-impedance
follower OA4 to avoid upsetting bridge balance. The overall CMRR is the combined
result of resistance mismatches and finite CMRRs of the individual op amps. Atdc,
where €| acts as an open circuit and Rg has thus no effect, we adjust Ry to optimize
the dc CMRR. At some high frequency, where C| provides a conductive path from
Ry’s wiper to ground, we adjust Ry to deliberately unbalance the second stage and
thus optimize the ac CMRR. The circuit is calibrated as follows:

I. With vy and v, grounded, adjust R¢ for vp = 0.

2. Adjust Rg for the desired gain of 1000 V/V.

3. With the inputs tied together to a common source vy, adjust R for the minimum
change in vg as vy is switched from —10 V dcto +10 V dc.

4. With v; a 10-kHz, 20-V peak-to-peak sine wave, adjust Rg for the minimum ac
component at the output,
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va 490 196kQ2  1kQ

FIGURE §.21
Instrumentation amplifier with A = 1 V/mV. (OA,, OA;, and OA3: OP-37C; OA4: OP-27,
fixed resistances are 0.1%.)

EXAMPLE 510, Specify Ry, Rg, and Rc in Fig. 5.21, given the following maximum
ratings for the OP-37C low-neise precision high-speed opampat T =25°C: I3 =75nA,
Tos = +80 nA, and Vo = 100 uV. Assume £15-V supplies.

Solution. E; = E;z = Vos + [Ry | (R2 + Rg/2DHp = 10~* 4 (5000 208)75 x
1072 22 115 uV; Ejy = 107 + (500 20,000)80 x 10~? = 139 uV; Ep = A(Ep +
E+(/BEpn= 100 x2x 115+ (1 +20/0.5)139 = 230 mV + 5.7 mV = 236 mV.
According to Eq. (2.40) we need ~236 mV < Vy < 4236 mV. Use 300 mV to make
sure. Then, Ry = 2k, Rg = 100kQ, Rc = 100kQ.

Whether internal or external, nulling compensates only for the initial offset
error Vpgso. As the operating conditions change, the error will reemerge, and if it
rises above an intolerable Jevel, it must be nulled periodically. The use of AZ or CS
op amps may then be a preferable alternative.

[

5.7
MAXIMUM RATINGS

Like all electronic devices, op amps require that the user respect certain electrical
and environmental limits. Exceeding these limits will generally result in malfunction
or even damage. The range of operating temperatures over which op amp ratings are
given are the commercial range (0 °C 1o + 70 °C), the industrial range (—25 °C 1o
+ 85 °C), and the military range (—-55 °C 10 + 125 °C).

Absolute Maximum Ratings

These are the ratings that, if exceeded, are likely to cause permanent damage. The
most important ones are the maximum supply voltages, the maximum differential-
mode and common-mode input voltages, and the maximum internal power dissipa-
lion P, max-

Figure 5A.1 indicates that for the 741C the maximum voliage ratings are, re-
spectively, £18 V, £30 V, and £15 V. (The large differential-mode rating of the
741 is made possible by the lateral pnp BJTs Q3 and Q4.) Exceeding these limits
may trigger internal reverse-breakdown phenomena and other forms of electrical
stress, whose consequences are usually detrimental, such as irreversible degradation
of gain, input bias and offset cusrents, and noise, or permanent damage to the in-
put stage. It is the user’s responsibility to ensure that the device operates below its
maximum ratings under all possible circuit and signal conditions.

Potentially deleterious conditions may arise during power turn-on and tumn-off.
Since different parts of a system may go on or off at different times, especially if large
capacitors are present, the voltages at the input pins may momentarily exceed those at
the supply pins. To prevent damage, the inputs must be equipped with suitable diode
clamps to limit the input voltages, and series resistances to limit current during clamp-
ing.9 For example, the op amp of Fig. 5.15 comes with input clamps already on-chip.

Exceeding Ppax will raise the chip temperature to intolerable levels and cause
internal component damage. The value of Pyax depends on the package type as well
as the ambient temperature. The popular mini DIP package has Ppax = 310 mW up
to 70 “C of ambient temperature, and derates linearly by 5.6 mW/°C beyond 70 °C.

EXAMPLE 5.11. What is the maximum current that a mini DIP 741C op amp is allowed
tosourceat O Vif T < 70°C?If T = 100°C?

Solution. From Fig. 5A.3 we find the supply current to be I; = 2.8 mA maximum.
Recall from Section 1.8 that an op amp sourcing current dissipates P = (Ve — Ver) g+
(Vee — VoXlo =30 x 284 (15 - Vo)lg. Imposing P < 310 mV gives [o(Vo
0) < (310-84)/15 = 15mAfor T < 70 °C. For T = 100 °C we have Py,
310 - (100 - 70)5.6 = 142 mW, so now Ip(Vo = 0) = (142 — 84)/15 = 3.9 mA.

[’

Input Voltage Range

This is the range of input voltages over which the op amp will still operate properly.
From Fig. 5A.3 we find that for the 741C this range is typically 413 V. Operating the
device outside this range, but still below its maximum input voltage rating (between
313 Vand 15 V for the 741C), does not necessarily cause damage; it only results
In malfunction, such as causing output saturation or output polarity reversal.

Even though the data sheets provide all the information the user needs to know
about the input voltage range, it is instructive 10 investigate its origin. For bipo-
lar devices such as the 741 op amp, this is the range of input voltages for which
¢ach BJT still operates in the forward-active (FA) region, all the way to the edge
of saturation (EOS). This type of operation is defined as vgg = Vgg(on) =0.7 V
and veg > Vepgos) =0.1 V for npn BITs, vep= VEB(on) =0.7 V and vec>
VEec®os) = 0.1 V for prip BITs.
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With reference to the 741 diagram of Fig. 5A.2, we observe that to keep Q5 and
Qs in the FA region, we need vy < Ve — VEps(on) — YesEosy = Vee ~ 0.7 -
(=0.6) = Ve — 0.1 V; 1o keep Q2, Q4. Q16. and Q7 in the FA region, we need
vn = VEE + VBE17om + VBE1600m) + VECA(EOS) + VBE2(0n) = VEE+0.74+ 0.7+
0.1 4 0.7 = Vgg + 2.2 V. Since vy tracks v p, the permissible input range is from
Vee + 2.2 Vto Voo — 0.1 V. This range depends on Ve and Vgg:; the higher the
supply voltages, the wider this range. Figure 5A.6 shows the 741 input range as a
function of the supply voltages.

Op amps specifically designed for an input range extending all the way down to
VEg are calied single-supply op amps because they can be powered between Ve =
Vs and Vgeg = 0 V and still provide a virtual ground at the inverting input, These
devices find application in battery-operated equipment and single-supply digital
systems. A popular example is the LM324 (National Semiconductor), whose input
range for single-supply operation extends from (Vs — 1.5 V) all the way down to O V.

Output Voltage Swing

As we know, this is the range Vo, <vg < Vog, and is usually specified for a 2-kQ
output load. It is again instructive to estimate this range directly from the circuit
diagram of Fig. 5A.2. Thus, Vou = Vcc — VeCi3(saty — VBE14(0n) — VRs = Voo —
0.1 - 0.7 - 0= V¢ — 0.8 V. Likewise, Vo, = VEg + VcE17(miny + VEB22(0n) +
Vegzoion) + Vr, = VEg + 0.7+ 0.7 + 0.7+ 0= Vgg + 2.1 V. For £15-V supplies
this gives Voi =14.2 V and Vpr = —12.9 V, in reasonable agreement with the data
sheets. As with the input range, the higher the supply voltages, the wider the output
swing. This is illustrated in Fig. 5A.6.

—O vp
Y

Ver

FIGURE 5.22
Waveforms for a voltage follower with rail-to-rail input and output capa-
bilities.

Op amps specifically designed for an output range extending all the way up
to Vcc and down to Vgg are called rail-to-rail op amps. As we know, CMOS op
amps belong to this class of devices, though rail-to-rail op amps are available also in
bipolar technology. The LMC6464 CMOS op amp (National Semiconductor) offers
rail-to-rail capabilities both at the input and at the output. Figure 5.22 shows the input
and output waveforms of a voltage follower implemented with an op amp possessing
such capabilities.

Overload Protection

To prevent excessive power dissipation in case of output overload, op amps are
equipped with protective circuitry designed to limit the output current below a safety
level called the ouiput short-circuit current Ic. The 741C has typically Jsc = 25 mA.

Va2 On

FIGURE 5.23
Partial illustration of overload protection circuitry for the
741 op amp.

In the 741 diagram of Fig. 5A.2, overload protection is provided by the watchdog
BITs Q15 and @7 and the current-sensing resistors Rg and R7. Under normal
conditions these BJT's are off. However, should an output overload condition arise,
such as an accidental short circuit, the resistance sensing the overload current will
develop enough voltage to turn on the corresponding watchdog BJT; this, in tumn,
will limit the current through the corresponding output-stage BFT. «

To illustrate with an example, suppose the op amp is designed to output a positive
voltage, but an inadvertent output short forces vp to 0 V, as depicted in Fig. 5.23. In
response to this short, the second stage of the op amp will drive v g7 as positive as
it can in a futile attempt to raise vo. Consequently, (22 will go off and let the entire
bias current of 0.18 mA flow toward the base of ;4. Were it not for the presence
of Q15. @14 would amplify this current by B4 while sustaining Vcg = Vc; the
resulting power dissipation would most likely destroy it. However, with Q{5 in place,
only the curtent ig14(max) = icta(max)/B1a = [VBEIS(on)/ Rs)/ 14 is allowed to
reach the base of @14, the remainder being diverted to the output short via Qs:
hence, Q14 is protected. -

With reference to Fig. 5A.2, we observe that just like Q5 protects Q14 when the
op amp is sourcing current, Q2] protects Q9 during current sinking. However, since
the base of (1 is 2 low-impedance node because it is driven by emitter-follower
2. the action of (7 is applied further upstream, via Q3.

EXAMPLE 5.12. Find all currents in the circuit of Fig. 5.23if Ry = 27 Q, 814 = fis =
250, and Vngu(m) =07V

Solution. @y, is limited to Ic1q = oafp1a = aral g, + 1515t = Iz, = Vaeisom/ Re =
0.7/27 = 26 mA. The current reaching the base of Q4 is Ig14 = fc14/Pra = 26/250 =
0.104 mA; the remainder, I (s = 0.18-0.104 = 76 uA, is diverted to the short. Hence,
Isc = l(‘M + ’(|5 = 26 mA.
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CHAPTER 5 it should be: the protection circuitry prevents the op amp from properly influencing

Static Op Amp vy, so during overload we generally have vy # vp.

Limitations Op amp types are available with much higher output current capabilities than the
741. Aptly referred 1o as power op amps, they are similar to their low-power coun-
terparts except for the presence of heftier output stages and proper power packaging
to handle the increased dissipation of heat. These op amps usually require heatsink
mounting. Examples of power op amps are the PAO4 (Apex Microtechnology) and
the OPA501 (Burr-Brown), with peak output-current capabilities of 20 A and 10 A,
respectively.

b

PROBLEMS -

5.1 Simpiified op amp circuit dingram

5.1 If the 741 op amp were redesigned with I, twice as large, which of the op amp param-
eters discussed in Section 5.1 would be affected, and how?

5.2 Input bias and offset currents
5.2 The circuit of Fig. 5.5a is to be used as an inverting amplifier with a gain of 10 V/V
and is to employ the ;£ A741C op amp. Specify suitable component values to ensure a
maximuin output error of 10 mV with minimum power dissipation in the resistors.
5.3 (a)Investigate the effect of 15 onthe performance of the inverting amplifier of Fig. P1.54
if I3 = 10 nA and all resistances are 100 k<. (b) What durmmy resistance R, must be

installed in series with the noninverting input to minimize Eo?

5.4 Investigate the effect of /5 and Ios on the performance of the circuit of Fig. PL.17 if
Iy = 100 nA and lps = 10 nA.

™
(\\5.5\ The circuit of Fig. P5.5 exploits the matching properties of dual op amps to minimize

“~~ the overall input current /;. (a) Find the condition between Rz and R, that yields /; =0
when the op amps are perfectly matched. (b)) What if there is a 10% mismatch between

the Ips of the op amps?
o, p o vo
v,(:; J Ry

B

Ry

-

FIGURE PS.5
5.6 (a) Investigate the effect of Jos on the performance of the Deboo integrator. (b) As-
suming C = 1 nF and 100-k£2 resistances throughout, find vy (1) if Jos = £1 nA and
Vo(o) =1V.

8.7 Investigate the effect of using an op amp with /5 =1 nA and Jos =0.1 nA in the high-
sensitivity I-V converter of Example 2.2. What dummy resistance R, would you install
in series with the noninverting input?

5.8 IfRi/R3 = Ry/ Ry, thecircuitof Fig. P2. 14 is atrue V-Iconverter withip = (Ry /Ry Rs) x
(v — v1) and R, = 0o. What if the op amps have input bias currents /5, and Ip,, and
input offset currents fos, and los2? Is i affected? Is R, affected? How would you
modify the circuit to optimize its dc performance?

5.9 Investigate the effect of /5 and Igs in the current amplifier of Fig. 2.11. How would
you modify the circuit 10 minimize its dc error?

5.10 Assuming the multiple-feedback low-pass filter of Fig. 3.32 is in dc steady state (i.e.,
all transients have died out), investigate the effect of /5 = 50 nA if all resistances are
100 k2. What dummy resistor would you use to optimize the dc performance of the
circuit? Hint: Assume a zero input

£3 Low-input-blas-current op amps

5.11 The bottom plate of a low-leakage 10-nF charged capacitor is at ground, and the top
plate at 10 V. Next, a voltage follower is connected to the top plate, and the follower
output is monitored with a voltmeter to observe how the input bias current discharges
the capacitor. () If it is found that the output decreases at the rate of 1 mV/s, whal do
you conclude about the technology of the input stage? (b) Estimate the temperature rise
needed for a discharge rate of 0.1 V/s.

5.4 Input offset voltage

$.12 A FET-input op amp is connected as in Fig. 5.12a with B; = 100 Q and R; = 33 k{2,
and gives vp = —0.5 V. The same op amp is then moved to the circuit of Fig. 5.12b with
R = 100k2 and C = | nF Assuming vp(0) = 0 and symmetric saturation vollages
of 114 V, find the time it takes for the output to saturate.

i
5.13 If R4/ Ry = R/ R, \hecircuitof Fig. P2.15isawue V-fconverterwithip = Ryv; /Ry Rs
and R, = 00. What if the op amps have input offset voltages Vpgy and Vo, but are
otherwise ideal? Is ip affected? Is R, affected?

5.14 In the circuit of Fig. 5.12alet Ry = 10 §2 and R; = 100 k$2, and let the op amp have an
offset drift of 5 £ V/°C. (a) If the op amp has been trimmed for v (25 °C) = 0, estimate
vo (0 °C) and vy (70 °C). What do you expect their relative polarities to be? (b) If the
same op amp is moved to the circuit of Fig. 5.12b with R = 100kQ and C =1 nF,, find
vo(r) both at 0 °C and at 70 °C,

5.15 Investigate the effect of using an op amp with CMRRyp = 100 dB on the output resis-
tance of a Howland current pump made up of four perfectly matched 10-k$2 resistances,
Except for CMRR, the op amp is ideal.

5.16 Investigate the effect of using an op amp with Vg = 100 2V and CMRRgp = 100 dB
in a Deboo integrator which uses four perfectly matched 100-kS2 resistances and a 1-nF
capacitance. Except for Vg and CMRR, the op amp is ideal.

517 Assuming perfectly mAtcﬁéd resistances in the difference amplifier of Fig. 2.13a, show
that if we define the CMRR of the op amp as I/CMRRg, = 3Vgs/@vemeon, and that
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of the difference amplifier as I/CMRRp, = Acm/Adgm, where A, = Vo /Bvempa)
and Agm = R3/R), then we have CMRRp,, = CMRRg,.

5.18 The difference amplifier of Problem 5.17 uses a 741 op amp with R, =1kQ and
Ry = 100 k2. Find the worst-case CMRR of the circuit for the case of (a) perfectly
matched resistances, and (b) 1% resistances. Comment.

5.19 In the difference amplifier of Problem 5.18 the inputs are tied together and are driven
by vem = Isin2n ft V. Using the CMRR plot of Fig. 5A.6, predict the output at f =
1 Hz, 1 kHz, and 10 kHz.

5.20 {a) Assuming perfectly matched op amps and resistances in the dual-op-amp IA of
Fig. 2.23, show that if we define the CMRR of each op amp as I/CMRRgs = dVps/
aVcM‘OA) and that of the 1A as I/CMRR, = Acm/Agm, where A,y = avofaVCM(DA)
and Agy, = | + R/ R, then we have CMRRM(mi") =0.5x% CMRROA(,“;,.). (b)If an 1A
with a gain of 100 V/V is implemented with perfectly matched resistances and a dual
OP-227A op amp, (CMRRyg = 126 dB typical, 114 dB minimum), find the worst-case
output change for a 10-V common-mode input change. What is the corresponding A, ?

5.21 Assuming perfectly matched op amps and resistances in the triple-op-amp 1A of
Fig. 2.20, derive a relationship between CMRRa(miny and CMRRoa(miny, where 1/
CMRRox = @Vps/Bvemion), and 1/OMRR s = A/ Agm.

5.22 In the invening integrator of Fig. 1.19 let R = 100k, C = 10 nF, and v; = 0, and
let the capacitor be initially charged such that vo(r = 0) = {0 V. Except for a finite
open-loop gain of 10° V/V, the op amp is ideal. Find vy (1 > 0).

5.23 An op amp with dpin = 10¢ VIV, Vosomax = 2 mV, and CMRR g (miny = PSRRap(min) =
74 dB is configured as a voltage follower. (a) Estimate the worst-case departure of vp
from the ideal for v; = 0 V. (5) Repeat with v, = 10 V. {c) Repeat if the supply voltages
are lowered from £15 Vto +£12 V.

5.5 Low-inpyt-offset-voltage op amps

5.24 With reference to the op amp of Fig. 5.1, investigate the effect of (@) a 10% mismatch
between the emitter areas of ) and Q5, and (b}a 1 °C temperature gradient across Q
and Q.

5.6 Imput offset-e¢ror compensation

5.25 Repeat Example 5.8, but for the integrator of Fig, 5.195 for the case R = 100 ks2.

5.26 1In the noninverting amplifier of Fig. 1.14g let Ry =10 ©, R, =10k, and v; =0.
The output v is monitored with a voltmeter and is found to be 0.480 V. If adding a
1-M@ resistor in series with the noninverting inpot pin gives vo = 0.780 V, but adding
it in series with the inverting input pin gives vy = 0.230 V, find Ig, lps, and V5. What
is the direction of 157

@Figure P5.27 shows a widely used test fixture to characlerize the op amp referred to
as device under test (DUT). The purpose of OA,, which is assumed ideal, is to keep
DUT’s output near 0 V. or in the middle of the linear region. Find Vo, Ip, Iy, I35,
los, and the gain a for the DUT, given the following measurements: (a) v; = —0.75 V
with SW, and SW, closed and v, = 0 V; (b} v = +0.30 V with SW, closed, SW,

open, and v; = 0 V; (c) v2 = —1.70 V with SW, open, SW; closed, and v, =0 V;
(d) vy = —0.25 V with SW, and SW; closed, and v, = -0 V.

sW,
—o/o—-
1000 100 kR 1001Q c
W M -
= DUT W * it
M W +
= 100Q 100 kQ 100 k02
p—-0.  0— —0 V2
SW, v
499k v 2 =

W

FIGURE P5.27

5.28 (a) In the circuit of Fig. P1.15 obtain an expression for the output error E as a function
of Ip, In, and Vps. (b) Repeat, but for the circuit of Fig. P1.16. Hint: In each case set
the independent source to zero.

5,29 Repeat Problem 5.28, but for the circuits of Figs. P1.18 and P1.19.

5.30 In the circuit of Fig. P1.60 obtain an expression for the output error E¢ as a function
of Ip, Iy, and Vgs. Hint: Assume a zero input.

5.31 (a) Find output error E¢ for the I-V converter of Fig. 2.1. (b) Repeat if the noninverting
input pin is retumed to ground via a dummy resistance R, = R. (¢) Devise a scheme
for the external nutling of Eg if R=1MQ, lps=1 nA maximum, and Vos=1 mV
maximum. .

5.32 What input-stage technology would you choose for the op amp of the high-sensitivily
I-V converter of Example 2.2? How would you modify the circuit for a minimum output
error Eg? How would you make provision for the external nulling of E?

5.33 Using the OP-227A dual-precision op amp (Vosimaxy = 80 1V, Jpian) = ‘:i:40 nA,
losimay = 35 nA, and CMRRygimin) = 114 dB), design a dual-op-amp IA with a gain
of 100 V/V. Assuming perfectly matched resistances, what is the maximum output error
forvi=va=07Forvy =v, =10 V?

5.34 If R; + Ry = R\, the circuit of Fig. P2.16 is a true V-1 converter with ig = v;/R;
and R, = oo. What if the op amps have nonzero input bias and offset currents and

offset voltages? Is io affected? Is R, affected? How would you make provisions for *

minimizing the total error? For externally nulling it?
5.35 (a) Investigate the effect of the offset voltages Vos) and Vos; on the performance of the

dual-op-amp transducer amplifier of Fig. 2.40 for the case 6 = 0. (b) Devise a scheme
to externally null the output offset error, and illustrate how it works.

5.36 Repeat Problem 5.35, but for the transducer amplifier of Fig. P2.54.

An I-V converter with a sensitivity of | V/jtA is to be designed using an op amp with
Vostmany = § MV and losimany = 2 nA. Two alternatives are being evaluated, namely,
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the circuit of Fig. 2.1 with R = 1 M, and the circuit of Fig. 2.2 with R = 100k,
R = 2.26 k2, and Ry = 20 k; both circuits use an appropriate dummy resistance
R, to minimize the error due to 1a. Which circuit is preferable from the viewpoint of
minimizing the untrimmed output error? What is the main reason?

5.38 Assuming the multiple-feedback band-pass filter of Example 3.15 is in dc steady state
(i.e., all transients have died out), investigate the effect of Iy = 50 nA, lps = 5 nA,
and Vps = | mV upon the circuit’s performance. How would you modify the circuit to
minimize the output error? To null it? Hinr: Assume a zero input.

5.39 Repeat Problem 5.38, but for the low-pass KRC filter of Example 3.8.

5.40 Repeat Problem 5.38, bift for the band-bass and band-reject KRC filters of Exam-
ples 3.13 and 3.14. .

5.41 The biguad filter of Example 3.19 is implemented with FET-input op amype having
maximum input offset voltages of 5 mV. Investigate the effect on circuit performance
and devise a method to trim the output dc error for the low-pass output.

5.7 Maximum ratings

5.42 Let the inverting amplifier in the single-supply system of Fig. 1.40 be a rail-to-rail op
amp with a gain of —2 V/V. (a) Sketch and label v;, vp, and vg if vy is a 1-kHz sine
wave with 1.5-V peak amplitude. (b) Find the expression for the input sine wave that

will result in a rail-to-rail output.

5.43 A 741 op amp is connected as a voltage follower and programmed 10 give vo = 10 V.
Using the simplified circuit of Fig. 5.23 with Ry = 27 Q, frs of 250, and base-
emitter junction drops of 0.7 V, find v g2, icu. icis. Pg,.. and vp if the output load is
(@) Ry =2k, and (b) R, = 200 Q2.
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FIGURE 5A.1

—_——

» . . . "
Copyright, Fairchild Semiconductor Corporation, 1987. Used by permission.
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HAT41

Equivalent Circuit
sin [
o«

FIGURE 5A.2

HAT4Y

pATH! and pAT4IC
Electricel

Ta = 28°C, Voo = 115 V, uniess otherwise specified.

pre UATAIC
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[ Slew Rate RL>20 ki, Ay=1.0 05 05 Vius
FIGURE SA.3
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FIGURE 5A.5
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DYNAMIC OP AMP LIMITATIONS

6.1 Open-Loop Response
6.2 Closed-Loop Response
6.3 Input and Output Impedances
6.4 Transient Response
6.5 Effect of Finite GBP on Integrator Circuits
6.6 Effect of Finite GBP on Filters
6.7 Current-Feedback Amplifiers
Problems
References

Up to now we have assumed op amps with extremely high open-loop gains, regardless
of frequency. A practical op amp provides high gain only from dc up to a given
frequency, beyond which gain decreases with frequency and the output is aiso delayed
withrespect to the input. These limitations have a profound impact on the closed-loop
characteristics of a circuit: they affect both its frequency and transient responses,
and also its input and output impedances. In this chapter we study the unity-gain
[frequency f;, the gain-bandwidth product (GBP), the closed-loop bandwidth fg, the
Sull-power bandwidrh (FPB), the rise time tg, the slew rate (SR), and the settling time
is, as well as the impact on the responses and the terminal impedances of familiar
circuits such as the four amplifier types, and filters. We also take the opportunity to
discuss current-feedback amplifiers (CFAs), a class of op amps designed specifically
for high-speed applications.

Since data sheets show frequency responses in terms of the cyclical frequency f,
we shall work with this frequency rather than with the angular frequency w. One can
readily convert from one frequency to the other viaw « 27 f. Moreover, a frequency
response H{jf) is readily converted to the s-domain by letting jf — s/2r.

The open-loop response a(jf) of an op amp can be quite complex and will be
investigated in general terms in Chapter 8. In the present chapter we limit ourselves

258

to the particular but most common case of internally compensated op amps, that
is, op amps incorporating on-chip components to stabilize their behavior against
unwanted oscillations. Most op amps are compensated so that a(jf) is dominated
by a single low-frequency pole.

6.1
OPEN-LOOP RESPONSE

The most common open-loop response is the dominant-pole response, so called
because its frequency profile is primarily controlled by a single pole. To understand
its origin, refer to Fig. 6.1, which provides a block diagram of the three-stage op amp
circuit of Fig. 5.1. Here g, is the transconductafice gain of the first stage, and —a3
is the voltage gain of the second stage, which is an inverting stage. Moreover, Req
and Ceq represent the net equivalent resistance and capacitance between the node
common to the first and second stage, and ground.

At low frequencies, where C acts as an open circuit, wehave vg = 1 x (—a3) x
(—Reqi01) = 8mi Reqaz2(v p — vn). The low-frequency gain, called the dc gain and
denoted as ay, is thus

ag = gm1 Req2 (6.1)

As we know, this is a fairly large number. For the 741 op amp we shall assume the
following working values: g,r| = 189 uA/V, Req = 1.95 MQ, and a3 = 544 V/V.
Substituting into Eq. (6.1) yields the familiar typical value ap = 200 V/mV, or 106dB.
Increasing the operating frequency will bring the impedance of Ceq into play,
causing gain to roll off with frequency because of the low-pass filter action provided
by Req and Ceq. Gain starts to roll off at the frequency f}, that makes 1Zc,,| = Req.
or 1/2nx fyCeq = Req. This frequency, called the dominant-pole frequency, is thus

1

= 62)
2 Requq

Jo
From the data sheets we find that the 741 op amp has typically f;, = 5 Hz, indicating
adominant pole at s = ~2x fp = — 107 Np/s. Such a low-frequency pole requires
that for a given Req, Ceq be suitably large. For the 741 op amp Ceq = 1/21 fy Req =
1/(275 % 1.95 x 10%) = 16.3 nF. The on-chip fabrication of such a large capacitance
would be prohibitive in terms of the chip area needed. This drawback is ingeniously

C
F_”"—_

L

Simplified op-amp block diagram.
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avoided by starting out with an acceptable value for C, and then exploiting the
multiplicative property of the Miller effect to increase its effective value to Ceq =
(1 + a2)C,. The 741 uses C; = 30 pF to achieve Ceq == (1 + 544)30 = 163 nE.

Expression for the Open-Loop Gain

In addition to the dominant pole created by Req and Ceq, the open-loop response
will generalty include higher-order zeros and poles due to the transistors making up
the different stages. The dominant-pole frequency is chosen deliberately low (5 Hz
for the 741) to ensure that gain has dropped well below unity at the higher-order root
frequencies, and their effect cah thus be ignored. With this in mind, the open-loop
response of an intemally compensated op amp can be approximated as  ~

a(jfy= 6.3)

a0
Y+ Jf/fe
where j is the imaginary unit (j2 = —1), ag is the open-loop dc gain, and f), is the
open-loop —3-dB frequency, also called the open-loop bandwidth. Magnitude and
phase are calculated as

20 La(f) = —tan~(f/fy) (6.4)

laUn)l = —m———=

o I+ (/)
and are plotted in Fig. 6.2. We observe that gain is high and approximately constant
only from dc up to fp. Past f}, it rolls off at the approximately constant rate of

la} (@B)

ag|

- 0 £ (dec)
e
o fH10 5 104, £ (e

FIGURE 6.1
Typical open-loop response of an internally compensatedop amp.
(The 741 op amp has typically ag = 200 V/imV, f, = 5 Hz, and
fi = i MH.)

—20dB/dec, until itdrops to 0dB (or | V/V)for f = f;. This frequency is called the
unity-gain freguency, or also the transition frequency, because it marks the transition

from amplification (positive decibels) to atienuation (negative decibels). Imposing
1=ap/\/ 1 + (f,/f;,)g in Eq. (6.4) and using the fact that f; 3> f},, we get

fi=aofp (6.5)

The 741 op amp has typically f, = 200,000 x 5 = | MHz. We wish to emphasize
the following special cases:

“(ff)lf«f, = ay [0° (6.6a)
alifl oy, = f,%[is" (6.6b)
alifl sy g, — ?1:9_02 (6.6c)

We observe that over the frequency region f >3 f), the op amp behaves as an
integrator, and that its gain-bandwidth product, defined as GBP = [a(;f)| x [, is
constant

GBP = § 6.7)

For this reason, op amps with dominant-pole compensation are also referred to as
constant-GBP op amps: increasing (or decreasing) f by a given amount in the region
of integrator behavior will decrease (or increase) |a| by the same amount. This can be
exploited to estimate gain at any frequency above fj. Thus, at f = 100 Hz the 741
has |aj= f;/f =105/107 = 10,000 V/V; a1 f =1 kHz it has |a| = 1000 V/V; at
f =10kHz it has |aj = 100 V/V; at f = 100 kHz it has lal = t0 V/V, and so forth.
Brpwsing through linear databooks will reveal quite a few op amp families with a
gain response of the type of Fig. 6.2. Most general-purpose types tend to have GBPs
between 500 kHz and 20 MHz, with 1'MHz being one of the most frequent values.
However, for wideband applications, op amp types are available with much higher
GBPs. Current-feedback amplifiers, to be discussed in Section 6.7, are an example.

Though ag and f}, may be useful for mathematical manipulations, in practice
they are very ill-defined parameters because so are Req and a3, due to manufacturing
Process variations. We shall instead focus on the unity-gain frequency f;, which turns
Out to be a more predictable parameter. To justify this claim, we note that at high
frequencies the circuit of Fig. 6.1 yields V, = 1 % Z¢ Iy = (1/j2nfCgm1 x
(Vp — Va), or @ = g /27 f Cc. Comparing with Eq. (6.6¢) gives

Eml

fi= 2 6.8)

By Eq. (5.7), gm1 = 14/4Vr. Substituting into Eq. (6.8) gives, for the 741 op amp,
Ia

fi= 8z VrC,. ©.9)

::‘is possible to design for reasonably stable and predictable values of /4 and Ce,
us resulting in a dependable value for f;. For the 741, f; = (19.6 x 10~°)/(8x x
0.026 x 30 x 10712) = 1 MHz. ' .
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Graphical Visualization of the Loop Gain T

We are well aware of the central role played by the loop gain T = af in negative
feedback. Since both @ and 8 are generally frequency-dependent, so is 7, and we
seek a quick means for visualizing this dependence. Letting T = af = a/(1/8)
allows us to write |T'|gp = 201og;o |T'| = 20logq la] — 201log,(1/8), or

ITlg = lalgs — |1/Blap (6.10a)
AT = 4a — L(1/H) {6.10b)

indicating that the Bode plots of T can be found graphically as the difference between
the individual plots of @ and 1/8.

Figure 6.3 depicts the magnitude plot. To construct it, we first obtain the open-
loop curve from the data sheets. Next, we find 8 using the technigues of Section 1.7,
take itsreciprocal 1/8, and then plot |1/ 1. Since usually | 8] < 1 V/V, or|8] < 0dB,
it follows that {1/8] = 1 V/V, or |1/8] = 0 dB; that is, the |1/8| curve extends
above the 0-dB axis. This curve will generally have some breakpoints, though in
many cases it is flat. As shown, its low-frequency and high-frequency asymptotes
are denoted as | 1/ 8ol and |1/ Boo|. Finally, we visualize | T'j as the difference between
the a| and {1/B} curves. The |T| curve is shown explicitly at the bottom, but you
should learn to visualize it directly from the diagram at the top.

The frequency fy at which the two curves meet is called the crossover frequency.
Clearly, |T(jfx)lap = 0dB, or |T(jfx}| = 1. In the example shown, for f « f;
we have |T| > 1, indicating a closed-loop behavior nearly ideal there. However, for
f > fr we have {Tlgp <0 dB, or |T| < |, indicating a significant departure from
the ideal. Thus, the useful frequency range for the op amp circuit is to the left of
f. In Chapter 8 we shall find that 4T (jf,), the phase angle of T at fy, determines
whether a circuit is stable as opposed to oscillatory.

dB

S {dec)

FIGURE 6.3
In a Bode plot, the toop gain | T| is the dif-
ference between the ja| and |1/ 8| curves.

Dominant-Pole PSpice Model

Though an op amp can be simulated at ¢ither the transistor or the macromodel level,
at times we wish to use an even simpler model to focus on just ane feature, such as
the effect of the dominant pole. The circuit of Fig. 6.4 uses Req and Ceq to create a

pole frequency at fp = 1/2% ReqCeq. The following subcircuit file reflects typical
741 parameters:

*Siaple one-pole op amp: a0 = 200v/mv, fb « SHx:
.subckt QAL vP N vO

1d vP vR 2Meg sinput resistance

oal 1 0 vP vM 200k ,dc gain ¢

Reqg 1 2 1.95Meg ywith Ceq, it sets fb as
Ceq 2 0 16.320PF 1fb=1/2%pl*Req*Ceq

ebuft 30201 joutput buffer

o 3 vO0 75 joutput resistance

.ends OAl

As we proceed, we shall make frequent use of this subcircuit.

1 R,q r,
vp Yo
+
+
2 v CuT 2

- agvp I xv,
VN = = =
FIGURE 6.4

Simple PSpice model for a one-pole op amp.
1

6.2
CLOSED-LOOP RESPONSE

The fact that the loop gain T is frequency-dependent will make the closed-loop
sesponse A depend on frequency even when Aige, is designed to be frequency-
independent, as in the case of purely resistive feedback. To stress this fact, we
write

-

, 1
A(J) = Ajgeal X T+UTGH 6.11)

The deviation of the error function 1/(1+ 1/T) from 1 /0° is now specified in terms
of two parameters, namely, the magnitude error

1

and the phase error

€p = —4[1 +1/TG (6.12b)
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The Noninverting Amplifier

The closed-loop response of the noninverting amplifier of Fig. 6.5a was given in
Eq. (1.12). Substituting a = a/(1 + jflfe).

- R2 ‘
AU = (' + R’,) 1+ (0 + Ry/RDU + jf/ fo}ao

Using straightforward algebra, we can readily put this in the form A(jf) = Ay/
(1 + jf/fg). where

S N
0= R/ 1+ (14 Ry/R\)/ag Ri+ R

Note again the use of lowercase letters for open-loop parameters, and uppercase
letters for closed-loop parameters. Exploiting the fact that ag 3> 1 + K2/ R, we can

write

1
A1 +£—? 18 = Bf, (6.13b)

where B =Ry /(R; + Rp) is the familiar feedback factor and fi =ag b i_s the unity-
gain frequency. We observe that the error function is the low-pass function 1/(1 +
if11a). o '

As depicted in Fig. 6.5b, the closed-loop gain A(jf) has Ag as the dc gain and
fp as the —3-dB frequency, also called the closed-loop bandwidth. We note the

following:

1. Atlow frequencies, where |T| > 1, Eq. (6.1 {)predicts A — Aideal = I+R2/RL

2. At the crossover frequency, where |T| = 1, we have 4T = da - X(1/p) =
—90° — 0°=-90°, or T=1/-90°=—jl. By Eq. (6.11), A= Agea/(1 +
i1 = (Adea/N'2) [—45°. Clearly, this is the —3-dB frequency fp, and we
can find it graphically by plotting |1/8} on the data-sheet graph of |a|, and then
locating the frequency at which the two curves intersect.

dB
% lal
I |l
i
1 |
: L £ dec)
0
fe Is f:\
(a) ()]

FIGURE 6.5
The noninventing amplifier and its frequency response |A|.

3. At high frequencies, where |T| « 1, Eq. (6.11) predicts A — Ajgeqy X T = (1 +
R2/R|) x a x Ry /(R + Rz) =a, indicating that |A| will roll off with |a]
there.

It is apparent that negative feedback reduces gain from ag to Ag (Ag < ag), but
widens bandwidth from f 10 fp (fg>» fp). This curative propersty, referred to as
broadbanding, constitutes another important advantage of negative feedback. It also
benefits phase since <a = —45° a1 fp, but LA = —45° at fg, fg>> fp.

EXAMPLE6.1. A 741 opamp is configured as a noninverting amplifier with ) = 2 k2
and R; = 18Kk, Find (¢) the 1% magnitude ervor and (&) the 5° phase ervor bandwidths,
defined, respectively, as the frequency ranges over which |e,| < 0.01 and |ey| < 5.

Solution,
(a) We have g=0.1 VIV, so fz=p8f,=100 kHz. B _(6.12a), €n=1/
U+ (f/f5)? — \. Imposing |ew| <0.01 yields 1/1/1 + (/102> 0.99, or f <
14.2 kHz.

(b) ByEq.(6.12b).¢4 = —tan”'(f/fy). Imposing €y | < 5° gives tan'(f/10%) < 5,
or f <8.75kHz

Gain-Bandwidth Tradeoff

By Eq. (6.13), the gain-bandwidth product of the noninverting amplifier is
GBP = Apfp = f; (6.14)

indicating a gain-bandwidth tradeoff. For instance, a 741 op amp configured for
Ag = 1000 V/V will have fg = f;/Ag = 10%/10° = | kHz. Reducing Ag by a
decade, to 100 V/V, will increase fp also by a decade, to 10 kHz. The amplifier
with the lowest gain has also the widegt bandwidth: this is the voltage follower, for
which Ay = 1 V/Vand fp = f; = | MHz It is apparent that f; represents a figure
of merit for op amps. The gain-bandwidth tradeoff can be exploited to meet specific
bandwidth requirements, as illustrated in the following example.

EXAMPLE 62. (a)Using 741 op amps, design an audio amplifier with a gain of 60 dB,
(b} Sketch its magnitude plot. (c) Find its actval bandwidth.

Solution.

(@) Since 109720 — 107, the design calls for an amplifier with Ay = 10° V/V and fp >
20 kHz. A single 741 op amp will not do, because it would have fg = 10%/10° =
1 kHz. Let us try cascading two noninverting stages with lesser individual gains
but wider bandwidths, as depicted in Fig. 6.6¢. Denoting the individual gains as
Aj and A,, the overal! gain is then A = A, x A;. One can easily prove that the
widest bandwidth for A is achieved when A, and A; are made equal, or A 9= Ay =
V1000 = 31.62 V/V, or 30 dB. Then, fg; = fa; = 10°/31.62 = 31.62 kHz.

(b) Toconstruct the magnitude plot we note that since A = A%, we have |Alys = 2| A |gp.
indicating that the magnitude plot of A is obtained by multiplying that of A, by 2,
point by point. The plot of |A,| is in turn obtained via the graphical technique of
Fig. 6.5b. The final result is shown in Fig. 6.6b.
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FIGURE 6.6
Cascading two amplifiers, and the resulting frequency
response | Al.

(c) Notethatat31.62 kHzboth |A,|and |A;| are 3 dB below their dc values, making | A}
in turn 6 dB below its dc value. The —3-dB frequency f3 is such that_|A(jfn)| =
10° V2. But, [AGH| = [AGHIR = 3162211 + (f/f5)?]. We thus impose

1 31.62%
2 L +1f5/(31.62 x 1OY)]
to obtain fp = 31.62v/v2~— | = 20.35 kHz, which indeed meets the audio

bandwidth requirement.
The Inverting Amplifier

Applying similar reasoning 10 the inverting amplifier of Fig. 6.7a, whose gain was
obtained in Eq. (1.19), we get

1
AGifY=Agx I_;j_f[E (6.15a)
Ang_g% fa = 81 {6.15b)

s 2]

(@) thy

FIGURE 6.7
The inverting amplifier and its frequency response [A|.

where the feedback factor is again 8 = R|/(R; + R2). As before, these expressions
hold as long as ag 33> 1 + R2/ Ry. We note that the bandwidth fj is the same as for the
noninverting amplifier; this is not surprising, since fp depends on T, which in turn
depends on the op amp and its feedback network, regardless of the point of injection
of the external signal. As depicted in Fig. 6.7b, we can still find fp graphically as the
crossover frequency. However, since we now have |Agl = Ry/R) < (1 + Ra/Ry),
the plot of }A| will be shifted downward.

The gain-bandwidth product of the inverting amplifier is GBP = |Ag| x fg =
(R2f/ R1) x fi R/ (Ry + Ry), or

Ry

GBP =
R+ R

h=0-8/Bf (6.16)

This is less than the GBP of the noninverting counterpart, which ‘coincides with
fi. The difference is more noticeable at low dc gains. For instance, a unity-gain
noninverting amplifier (R} = 0o, Rz = 0) has GBP = f;, whereas a unity-gain
inverting amplifier (R} = R;) has GBP = 0.5 ;. From the viewpoint of maximizing
bandwidth, the former is obviously preferable.

If we observe and plot | A| experimentally, we are likely to find a high-frequency
departure from the curve predicted by Eq. (6.15). The high-frequency asymptotic
value of A is the feedthrough gain of Eq. (1.65), which we rephrase as

. z
lim A o

= A7
a—0 Ry + (R2 + zo)(V + Ry /22) €17

to account for the fact that at high frequencies the input and output impedances z¢4
and z, are generally no longer resistive. Depending on the op amp and its feedback
network, as well as the application at hand, this asymptotic departure may be of
concern.

EXAMPLE6.3. Use PSpicetoinvestigate the high-frequency behaviorof a 741 inverting
amplifier with Ry = R; = 1 kQ.

Solution. As shown in Fig. 6.8, we use the test source V; to excite both the circuit,
shown at the right, and a replication of its feedback network, shown at the left and
identified by subscripts . Using the subcircuit QA1 discussed at the end of Section 6.1,
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FIGURE 6.8
PSpice circuit of Example 6.3.

we write the following circuitile:

Plotting a, 1/beta, and A for the inverting asp:
@ Vi 10 ac 1V
*Cireuit to plot As
Rl1 12 1k
R2 2 3 1k
X1 0 2 3 OAl
*Circuit to plot 1/beta:
rof 1 33 75
R2f 33 22 1k
. Rif 22 0 ix
. rdt 31 0 2Mey
¢*Circuit to plot a:
X310 6 OAl
RL 6 0 2k javoids floating nodes
.ac dec 10 1Hz 100MegH:z
.probe ;asvV{6)/V{l), 1/beta=v(1}/V(21), A=V(3)/V(1)
.end

The plet of Fig. 6.9 confirms that A|;_.o = 75/(10° + 10° + 75) = 36.14 mV/V =
—28.8 dB. This value is affected by our choice of R, and R;. For instance, increasing
themto Ry = Ry = 10 k2 will push the high-frequency asymptote further down, to
—48.6 dB. The feedforward gain is of less concern in the noninverting configuration
because the signal has to propagate through z4, which is usually very large and thus
causes a great amount of attenuation.

Closed-loop gain <

A0 e Rt e T
1. 1,004z 1. »
a d{(V{e}/ V(1)) « ®(V{1)/V(22)) & VSV
Froqueney

FIGURE 6.9
Frequency plots for the circuit of Fig. 6.8,

6.3
INPUT AND OUTPUT IMPEDANCES

Figure 5A.7 indicates that at high frequencies the differential input impedance z4
and the output impedance 2, of the 741 op amp become, respectively, capacitive
and inductive. This behavior is typical of most op amps, and is due primarily to
the stray capacitances of the input transistors and to the frequency limitations of
the output transistors. Moreover, if the inputs of a practical op amp are tied to-
gether and the impedance to ground is measured, the result is the common-mode
input impedance zc. In the op amp model of Fig. 6.10, zc has been split equally
between the two inputs in order to yield (2z.) || (2z;) = z. when they are tied
together.

Data sheets usvally specify only the resistive portion of these impedances,
namely, ry4, rc, and r,. For BJT-input op amps, 4 and r, are typically in the megachm
and gigachm range, respectively. Since r; > ry, the specification of .. is often omit-
ted, and only r4 is given. For FET-input devices, rg and r, are of the same order of
magnitude and in the range of 100 GQ or higher.

A few manufacturers specify the reactive portions of z4 and z., namely, the
differential input capacitance Cy4, and the common-mode input capacitance C,.
For example, the AD705 op amp (Analog Devices) has typically zg = rg | Cy =
AGOMYD N2 pF and z. = r. || C. = (300 GR) || (2 pF). In general, it is safe to
assume values on the order of few picofarads for both Cy4 and C,.. Though irrelevant
at low frequencies, these capacitances may cause significant degradation at high
frequencies. For instance, at dc the AD705 op amp has z. = r. = 300 G2; however,
at | kHz, where Zc, = 1/(j2n x 10° x 2 x 10712) = — 80 M, it has z. =
(300 GR2) || (- j80 M) = — j80 MQ, a drastically reduced magnitude,

Let us now investigate how open-loop gain rolloff affects impedar.ces. As we
know, a closed-loop impedance Z can often be expressed in terms of its open-loop
counterpart z as {

2701+ T)E! 6.18)

FIGUIE. 6.19
Modeling the input and output impedances
of a practical op amp.
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Shunt Impedances

The impedance of the output-shunt topology of Fig. 6.14a is, by Eq. (1.61), Z, =
ro/(L + ap). where B = R\ /(R + R7). Proceeding in the usval manner, we get
~ g VIl
o = Ro T — 4+

1+ jf/f
where R, = ro/(1 + agf). Clearly, Z,(s) has a zero at s = —2af, and a pole
ats = —2a fg. Referring to its plot of Fig. 6.14b we observe that the benefits of
negative feedback are realized only at low frequencies, where T is fairly large.

(6.22)

R R, |Z,| (dec)

>

(2) ' (b)

S (dec)

FIGURE 6.14
Z, for the output-shunt topology.

This inductive impedance can be modeled as in Fig. 6.15. At high frequencies,
where Leq acts as an open, we impose Rp = r,. At low frequencies, where Leg
acts as a short, we impose R, || Ry = Ry =r,/(1 + agp). Finally, at fg we impose
|21, (ifB)l = ro, Of Leqg = ro/2n fp. Note that Eq. (6.22) ignores the inductive
behavior of z,. One can obtain a more realistic picture via computer simulation,
provided the macromodel being used duly reflects the actual behavior of z, with
frequency.

-

Zshlml ‘R!

FIGURE 6.15
Equivalent circuit of a shunt-
topology impedance.

EXAMPLE 65. Repeat Example 6.4, but for the cutput impedance Z,.

Solution. The frequency breakpoints are f, = f;/ao=10Hz and f = B/, = 100 kHz.
The element values are R, = 100 2, B, = 100/(1 + 10*) = 10 mQ, and Loq =
100/2710° = 159 uH.

[ (dec)

(a) (]

FIGURE 6.16
Z; for the input-shunt topology. »

The impedance of the input-shunt topology of Fig. 6.16a is, by Eq. (1.67),
Z; = R/(1 + a). This now becomes

L+ jf/fu

%= R,

(6.23)

where R; = R/(1 + ag). Its plot is shown in Fig. 6.16b. The inductive equivalent
of Fig. 6.15 has now Rp = R, Ry = R/(l + ap), and Leq = R/2n f;. It is apparent
that the virtual-ground concept holds reasonably well only as long as |T| > 1. As
frequency is increased, its impedance deteriorates, thus leading to an increase of the
inverting-input voltage V,, with frequency.

Given the tendency of shunt topologies to be inductive, terminating them on
capacitive loads may cause instability. The capacitance of the load tends to form
a resonant circuit with the equivalent inductance presented by the shunt topology.,
and this may cause undesirable peaking and ringing, unless the termination is prop-
erly damped. Examples of capacitive termination are the stray capacitance of the
inverting-input pin and the Joad capacitance when the op amp drives a long cable.
These issues will be studied in Chapter 8.

EXAMPLE 66. (a) Estimate A(jf). Z;(jf). and Z,(jf) for the high-sensitivity }-V
converter of Fig. 2.2 if itis implemented with R = 100k, Ry = 2k, R; = 18k, and
a 741 op amp. (b) Compare with PSpice using the £A741 subcircuit of the EVAL.LIB
file.

Solution. Since ry>» R and r, < Ry, we can write 8 = R /(R + Ry) = 0.1 V/V.
Then, Ay = —(t + Ry/ROR = —| VipA, apff = 20 x 10°, fg = Bf, = 100 kHz,
R Z[R+(RIIRD/+anP) =58, and R, = r./(1 +apf) = 3.75mS. Based on
the above approximations, we estimate

—10° V/A

AGH = TW
P4+ jf/5 b+ jf/5

G zs 3D G =375
LUD=Srme & 2UD 11 jf/10°
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Q
-5V

FIGURE 6.17
PSpice circuit of Example 6.6.

With reference to Fig. 6.17, we write the following circuit tile using the same test

source at both the input and the output:

High-genaitivity I-V converter:

Y@ *ysing library subckt uA741 to find A, zi, and Zo:
.1ib eval.lib

vcC 10 0 dc 15V

VEE 11 0 dc -15V

If 6 1 ac 100nA

sCircuit to find A and 24:

R 1 2 100k

R1 2 0 2k

R2 2 3 18k

XOAL 0 1 10 11 3 uA741

*Circuit to find Zo:

RO 4 5 100k

RI10O 5 0 2k

R0 5 6 18k

X0A2 0 4 10 11 6 yA741

.ac dec 10 1Hz 10MegH=z

.probe ;A=vm{(3)/Ii, Zi=vm(1)/Ii, Zo=Vm(6)/Ii

.end

Closed-1o0p 9sin, in ¥/A /

input iepedance Z;, in ohms

FIGURE 6,18
Frequency plots for the I-V converter of Fig. 6.17.

our predictions. The minor discrepancies are due to differences between the simplified

The results of the simulation, shown in Fig. 6.18, are in reasonable agreement with
I model used in our calculations and the Boyle model used by PSpice.

6.4
TRANSIENT RESPONSE

So far we have investigated the effect of the open-loop dominant pole in the frequency
domain. We now turn to the time domain by examining the transient response,
that is, the response to an input step as a function of time. This response, like its
{requency-domain counterpart, varies with the amount of feedback applied. In the
data sheels it is usually specitied for unity feedback, that is, for the voltage follower
configuration; however, the resulls can readily be generalized to other feedback

factors.

The Rise Time tg

As we know, the small-signai bandwidth of the voltage follower is f;, soits frequency
respoase can be written as

I
ANy = ——7F 6.24)
L+ jflh
indicating a pole at s = —2 f;. Subjecting the voltage follower of Fig. 6.19a to an
input voltage step of sufficiently small amplitude V,,, will result in the well-known

exponential response

volt) = Vu(l —e™'/T) (6.25a)
|
=— 6.
T s (6.25b)

The time tg it takes for vy to swing from 10% to 90% of Vi, is called the rise fime,
and it provides an indication of how rapid the exponential swing is. We. easily find

Volts

—0 i)

()

= 0

() (hy

FIGURE 6.19
Voltage follower and its small-signal step response.
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tg = t(In0.9 — In0.1), or
, 0.35
R=—F(—
fi

This provides a link between the frequency-domain parameter f, and the time-
domain parameter /g; clearly, the higher f;, the lower tg.

The 741 opamp has T = 1/(2x x 108} = 159 ns and 1z = 350 ns. A closer look
at its smalk-signal-step response of Fig. 5A.6 indicates a small amount of ringing.

This is due to higher-order complex pole pairs, which we have neglected in our
dominani-pole approximation.

(6.26)

Slew-Rate Limiting

The rate at which v() changes with time is highest at the beginning of the expo-
nential transition. Using Eq. (6.25a), we find dvg /dt|;=p = Vm/t, which is also
illustrated in Fig. 6.19b. If we increase Vi, the rate at which the output slews
will have to increase accordingly in order to complete the 10%-t0-90% transi-
tion within the time 7g. In practice it is observed that above a certain step am-
plitude the output slope saturates at a constant value called the slew rate (SR). The
output waveform, rather than an exponential curve, is now a ramp. Figure 6.20a
shows the slew-rate limited response to a puise. As we shall see in greater detail
shortly, slew-rate limiting is a nonlinear effect that stems from the limited ability
by the internal circuitry to charge or discharge the frequency-compensation capa-
citance Ce.

The SR is expressed in volts per microsecond. The data sheets give SR=
0.5 V/us for the 741C op amp version and SR = 0.7 V/us for the 741E version.
This means that to complete a 10-V output swing, a 741C voltage follower takes
approximately (10 V}/(0.5 V/us) = 20 us.

When an op amp is operated in the inverting mode, the slew rate during a positive-
going swing is usually the same as that during a negative-going swing. However,
when operation is in the noninverting mode, the common-mode input swing brings

(ar) ()

FIGURE 6.20
Effect of slew-rate limiting for (@) a pulse input, and (b) a sine wave input.

additional parasitic capacitances into play, which result in asymmetric SR values as
well as other second-order effects such as discontinuities at the onset of the step.!
This is shown in Fig. 5A.7 for the 741 op amp. Unless stated to the contrary, we
shall assume symmetric SR values for simplicity.

We stress that SR is a nonlinear large-signal parameter, while fg is a linear
small-signal parameter, The critical output-step magnitude corresponding to the
onset of slew-rate limiting is such that Vppcrny/T = SR. Using Eq. (6.25b), this
gives

SR
Vomicrity = il (6.27)

For the 741C, Vymeeriy = 0.5 x 10%/(2m x 10%) = BO mV. This means that as
fong as the input step is less than 80 mV, a 741C voltage follower responds with an
exponential transition governed by t = 159 ns. However, for a greater input step,
the output slews at a constant rate of 0.5 V/us until it comes within 80 mV of the
final value, after which it performs the remainder of the transition in exponential
fashion. The above results can be generalized to circuits with 8 < 1 by replacing fi

with Bf:.

EXAMPLE 6. With an input-stage bias current [ of 19.6 1A and a compensation
capacitance C, of 30 pF. a 741-type op amp gives SR = 0.633 V/us. (a) If such an op
amp is configured as in Fig. 6.21, find its response vo(1) to an input step of -0.5 V.
(b) Verify with PSpice.

Solution.

(a) By inspection, Ag = —4V/Vand g = 02V/V.S0,7 = 1/2x8f, = }/(2m x 0.2 %
10°) = 796 ns and Vomecin = SR x 1 = 0.504 V. Once the transient has died out,
we have vo(oo) = AgVim = —4(—0.5) = 2 V. Since this is greater than 0.504 V,
vo(t) will be a slew-rate limited ramp until it reaches 2 — 0.504 = 1.496 V and be
an exponential transient thereafter.
Let v;(1) = —0.5u(t) V, where u(r) is the unit step function. As longas v <
1.496 V we have vo{f) = SR x ¢ = 0.633 x 10% V. The instant at which v, reaches
1.496 V is 1, = 1.496/(0.633 x 10%) =2.36 pus. For ¢ > f; we can write? vo(f) =
vo(oo) +ve(t) — vioo)expl—(t —1))/t]l =2~ 9.81 x exp[—/{796 ns)] V.

FIGURE 6.21
Circuit of Example 6.7.
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FIGURE 6.22
Step response of the circuit of Fig. 6.21.

(b} The input circuit file is the following.

Large-gsignal step response:

vI 10 pulse (0 -0.5 1lus 10ns 10ns &us 12us)
R1 112 3k

R2 2 3 12k

*Input gtage: 101 = IA*tanh [vD/(4*VT)):
gol 4 0 value = (19.6B-6"((exp(19.3%v(0,2))-1)/{exp(19.3*v(0,2))+1))}
Req & 0 1.95Neg

*Second stage: a2 = -544 V/V

ea2 3 0 4 0 -544

Cc 4 3 A0pP

.tran 10ns 6us

.probe ;vI=v(l), vO=v{l}, vN=v(3)

.end

The results of the simulation are shown in Fig. 6.22, which will be discussed further in
the subsection on slew-rate limiting’s causes and cures.

Full-Power Bandwidth

The effect of slew-rate limiting is to distost the output signal whenever an attempt is
made to exceed the SR capabilities of the op amp. This is illustrated in Fig. 6.205 for
a sinusoidal signal. In the absence of slew-rate limiting, the output would be vg =
Vom sin 2m 1. Its rate of change is dvg /dr = 2 f V,,, cos 2nft, whose maximum is
27 f Vom. To prevent distortion we must require (dvo /dt)max < SR, or

fvum = SR/2]T (628)

indicating a tradeoff between frequency and amplitude. If we want to operate at high
frequencies, then we must keep V,,,, suitably small to avoid slew-rate distortion.
In particular, if we want to exploit the full small-signal bandwidth f, of a 741C
voltage follower, then we must keep Vo < SR/2xf; = 80 mV. Conversely, if

we want 10 ensure an undistorted output with Vo > Vouerin), then we must keep
f < SR/2x Vam. For instance, for an undistorted ac output with Vi = 1 V,a741C
follower must be operated below 0.5 x 106/271 = 80 kHz, which is way below
f, = 1 MHz. .

The full-power bandwidth (FPB) is the maximum frequency at which the op
amp will yield an undistorted ac output with the largest possible amplitude. T_hls
amplitude depends on the particular op amp as well as its power supplies. Assuming
symmelric output saturation values of L V,y, we can write

SR

6.29)
271 Vit ¢

FPB =

Thus, a 741C with Vi = 13 V has FPB = 0.5 x 108/27 13 = 6.1 kHz. Exceeding
this frequency will yield a distorted as well as reduced output. When applying
an amplifier we must make sure that neither its slew-rate limit SR nor its —3-dB
frequency fg is exceeded.

EXAMPLE 68. A 741C op amp with +15-V supplies is configured as a noninverting
amplifier with a gain of 10 V/V. () If the ac input amplitude is Vi, = 0.5 V, what is the
maximum frequency before the ontput distorts? (b) If f = 10 kHz, what is the maximum
value of V;,, before the output distoris? (¢) If Vi, = 40 mV, what is the useful frequency
range of operation? (d) If f = 2 kHz, what is the useful input amplitude range?

Solution.

(@) Vopn = AVip = 10 x 0.5 =5 V; fiaa = SR/20 Vo = 0.5 x 10°/275 = 16 kHz.

) Vommay = SR/2nf = 0.5 x |06/27r|04 = 796 V; Vintwa = Vimima)/A =
7.96/10 = 0.796 V.

() To avoid slew-rate limiting, keep f < 0.5 x 108/(2n x 10x 40x 107%) = 200kHz.
Note, however, that fyp = f,/Ay = 10°/10 = 100 kHz. The useful range is thus
f < 100 kHz, and is dictaied by small-signal considerations, rather than slew-rate
limiting.

() Vommmany = 0.5 x 10°/(21 x 2 x 10°) = 39.8 V. Since this is greater than Vi,
or 13 V, the limiting factor is in this case outpul saturation. Thus, the useful input
amplitude range is Vi, < Viu /A =13/10= 13 V.

The Settling Time ¢

The rise time 1z and slew rate SR give an indication of how rapidly the output
changes, respectively, under small-signal and large-signal conditions. The parameter
of greatest concern in many applications is the settling time ts, defined as the time it
takes for the response to a large input step to settle and remain within a specified error-
band, usually symmetric about its final value. Settling times are typically specified
10 accuracies of 0.1% and 0.01% of a 10-V input step. As an example, the AD843
Op amp (Analog Devices) has typically ts = 135 ns 10 0.01% of a 10-V step.

_ As shown in Fig. 6.234, 15 is comprised of an initial propagation delay due to
higher-order poles, followed by an SR-limited transition to the vicinity of the final
value, followed by a period to recover from the overload conditon associated with the
SR, and finally settle toward the final equilibrium value. The settling time depends
on both linear and nonlinear factors, and is generally a complex phenomenon.># A
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FIGURE 6.23
Settling time 1, and circuit to measure t5. (D, and D; are HP2835
Schotiky diodes.)

fast ¢ orahigh SR does not necessarily guarantee a fast ¢5. For instance, an op amp
may settle quickly within 0.1%, but may take considerably longer to settle within
0.01% due to excessively long ringing.

Figure 6.23b shows a popular test circuit? for the measurement of ts. The de-
vice under test (DUT) is configured as a unity-gain inverting amplifier, while the
equat-valued resistors R3 and R, synthesize what is commonly referred to as a false
ground. Since vgg = é(v, +vo), withvg = —v; we expect veg = 0 V. In practice,
because of the transient due 1o the op amp, vgg will momentarily deviate from zero
and we can observe this deviation to measure tg. For an ervor band of +0.01% of a
10-V step, vgg will have to settle within £0.5 mV of its final value. The purpose of
the Schottky diodes is to prevent overloading the oscilloscope’s input amplifier. To
avoid loading by the probe’s stray capacitance, vgg can be buffered by means of a
JFET source-follower. Consult the data sheets for the recommended test circuit to
measure Ig.

In order to fully realize the settling-time capabilities of the op amp, one must
pay proper attention to component selection, layout, and grounding; otherwise,

the painstaking process of amplifier design can casily be defeated.S ']:his.includes
keeping component leads extremely short, using metal-film resistors, orienting com-
ponents SO as to minimize stray capacitances and connection inductances, prqpcrly
bypassing the power supplies, and providing separate ground returns for the input,
the load, and the feedback network. Fast settling times are particularly desirable in
high-speed, high-accuracy D-A converters, sample-and-hold amplifiers, and multi-
plexed amplifiers.

Slew-Rate Limiting: Causes and Cures

It is instrctive to investigate the causes of slew-rat'limiting since even a qualitative
understanding can better help the user in the op amp selection process. Referring to
the block diagram! of Fig. 6.24, we observe that as long as the input step’amplitude
V, is sufficiently small, the input stage will respond in proportion and yield i o1 =
Zmi Vm. By the capacitance law, dvp /dt = ig3/Cc = gmi Vm/Cc. thus conﬁnm_ng
that the output rate of change is also propotional to Vi,. However, if we overdrive
the input stage, iy will saturate at +1,, as depicted in Fig. 5.2b. The capacitor C,
will become current-starved, and (dv g /d!)max = Ia/Ce. This is precisely the slew
rate,

SR=1a 6.30)

Using the 741 op amp working values of Section 5.1, namely, I4 = 19.6 uA and
C. = 30 pF, we estimate SR = 0.653 V/pus, in reasonable agreement with the data
sheets.

1t is important to realize that during slew-rate limiting v N may depart from
v p significantly because of the drastic drop in the open-loop gain bro_ughl about by
input-stage saturation. During limiting the circuit is insensitive to any high-frequency

FIGURE 6.24 o
Op amp model to investigate slew-rate limiting.
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components at the inpul. In particular, the virtual-ground condition of the inverting
configuration does not hold during limiting. This is confirmed by the shape of vy in
Fig. 6.22.

We can gain additional insight by relating large-signal and small-signal
behavior.!"% In Eq. (6.8) it was found that f; =g, /2nC.. Salving for C¢ and
substituting into Eq. (6.30) gives

_ 2H]Af,
Emi

This expression points to three different ways of increasing the SR, namely, (a) by
increasing f;, (b) by reducing g1, or (¢) by increasing /4.

in general, an op amp with a high f; tends to exhibit also a high SR. By Eq. (6.8),
fi can be increased by reduting C,. This is especially useful in the case of uncom-
pensated op amps, for then the user can specify a compensation network that will
also maximize the SR. A popular example is offered by the 301 and 748 op amps,
which, when used in high-gain configurations, can be compensated with a smaller
C. value to achieve a higher f; as well as a higher SR. Even in low-gain applications,
other frequency-compensation schemes than the dominant pole are possible, which
may improve the SR significantly. Popular examples are the so-called input-lag and
feedforward compensation methods, to be addressed in Chapter 8. For instance, with
dominant-pole compensation, the 301 op amp offers dynamic characteristics similar
1o those of the 741; however, with feedforward compensation, it achieves f, = 10
MHz angd SR = 10 V/pus.

The second method of increasing the SR is by reducing the input-stage transcon-
ductance gmy. For BJT input stages, g,,) can be reduced via emitter degeneration,
which is obtained by including suitable resistances in series with the emitters in
the differential input pair to deliberately reduce, or degenerate, transconductance.
The LM318 op amp (National Semiconductor) utilizes this technique to achieve
SR =70 V/us with f; =15 MHz. Altematively, g, can be reduced by implement-
ing the differential input pair with FETs, whose transconductance is notoriously
lower than that of BITs for similar biasing conditions. For instance, the TL080 op
amp (Texas Instruments), which is similar to the 741 except for the replacement of
the input BJT pair with a JFET pair, offers SR = 13 V/us at f; = 3 MHz. We are
now able to appreciate two good reasons for having a JFET input stage: one is to
achieve very low input bias and offset currents, and the other is to enhance the slew
rate, |

The third method of increasing the SR is by increasing /4. This is especially
important in the case of prggrammable op amps, so called because their internal
operating currents can be programmed by the user via an external current Jggt. This
current is usually set by connecting a suitable external resistor, as specified in the
data sheets. The internal currents, including the quiescent supply current Jg and
the input-stage bias current I, are related to Isgr in current-mirror fashion, and
are thus programmable over a wide range of values. By Egs. (6.9) and (6.30), both
fr and SR are proportional to /4, which in tum is proportional to Isgt, indicating
that the op amp dynamics are also programmable. For instance, varying Iggr from
0.1 uA 1o 100 A for the HA-2725 programmable op amp (Harris) varies SR from
0.06 V/us 10 6 V/us and f; from 5 kHz to 10 MHz, providing the user with the
ability to tailor the dynamics to a wide variety of situations.

SR 6.31)

6.5
EFFECT OF FINITE GBP ON INTEGRATOR CIRCUITS

As we know, the integrator of Fig. 6.25a yields

1
Higen(if) = ——— (6.32)
ideal S iffo
where fo = 1/2n RC is the unity-gain frequency. To investigate the effect ofl the
open-loop gain rolloff, we calculate the feedback factor 8 = R/(R + 1/j2n fC).
Expanding, we get

VY +jflfe

B il
As shown in Fig. 6.25b, |1/ B| has the low-frequency and high-frequency asymptotes
[1/Pol = V/(f/fo) and |1/Bocl = 1 VIV =10 dB, and it intercepts the |a| curve at
f=folapandat f = fi.

The frequency region of nearly ideal behavioris fo/ao & f < fi, where|T|>> 1.
Below fo/ap, C acts as an open circuit compared to R, so the circuit amplifies
with the full open-loop gain there, giving H = —ap. Above fr, IT| drops below
unity to give H = Hidea x T there, indicating a frequency rolloff of —40 dB/dec.
It is apparent that for a single-pole op amp, H (s) has —ag as dc gain and two real
poles at s = 2w fo/ap and s = —2n f;, s0 we write

—ag
(1 + jf/(fo/ap)l(} + Jf/ S

Compared to Eq. (6.32), the actual response is of the second order because of the
presence of two reactive elements, namely, the external capacitance C and the internal
compensation capacitance C..

According to Eq. (6.32), the integrator should provide a phase shift of 90° In
practice, because of the two breakpointf, the shift will depart from 90° at both the

H(f) = 6.33)

dB

\{ ll"ﬂﬂ|

(a) b)

FIGURE 6.25
The inverting integrator and its transfer function | H .

A
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fow and high ends of the frequency spectrum. We shall see soon that the latter is a
source of concern in integrator-based filters such as dual-integrator loops. At high
frequencies Eq. (6.33) simplifies to
1 9 1
iflfe  V+jfifi

indicating that the error function is the usual low-pass function 1/(1+ jf/fi). As we
know from Eq. (6.12b), the corresponding phase error is g = — tan~ ' (f/fi). We
are particularly interested in € in the vicinity of fp. Since a well-designed integrator
has fi < fy. we can approximate, for f « f;,

e =—flh (6.35)

We can reduce €4 by introducing a suitable amount of phase lead to counteract the

phase lag due to the pole frequency f;. This process is called phase-error compen-
sation.

H(f) = (6.34)

Passive Compensation of Integrators

The integrator of Fig. 6.26a is compensated by means of an input parallel capacitance
Ce. f we specify its value so that |Z¢ (jfi)| = R,or 1/2n f;C; = R, then the phase
tead due to the high-pass action by C, will compensate for the phase lag due to
the low-pass term /(1 + jf/f;). thus expanding the frequency range of negligible
phase error. This technique, also referred to as zero-pole cancellation, requires that

Ce=1/2nRf; (6.36)

The scheme of Fig. 6.26b achieves a similar result, but using a feedback series
resistance R, and decreasing the input resistance from R to R — R,. This method
offers better trimming capabilities than capacitive compensation. It can be shown
(see Problem 6.45) that letting

R. = 1/2xCf; 6.37)

will make H{jf} = Higdeal, provided the components are scaled such that the open-
loop output impedance z,, is negligible compared to R..

Because of manufacturing process variations, the value of f; is not known
precisely, so C. or R must be trimmed for each individual op amp. Even so,

{a) »

FIGURE 6.26
Passive compensation of the integrator: (a) capacitive, and (b) resistive.

compensation is difficult to maintain because f; is sensitive (o temperature and 285
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Active Compensation of Integrators Circuits

The drawbacks of passive compensation are ingeniously avoided with active compen-
sation,” so called because it exploits the matching and tracking propesties of dual op
amps to compensate for the frequency limitations of one device using the very same
Jimitations of the other. Although this technique is general and will be readdressed
in Section 8.6, we are presently focusing on the compensation of integrators.
Applying the superposition principle to the cirtuit of Fig. 6.27a, we can write

_ L il P
V""“'(ij/fo“1+jf/fo"’v") 2= 1Y ififn

where fo = 1/2r RC.Tofind H = V,/ V;, we eliminate A3, substituteay = fri/Jf,
andlet fiz = f;1 = fi toreflect matching. This gives H(jf) = Hideatx 1/(1+1/T),
where the error function is now

R CF 7/ SRS Sy (/) 1
T+ UT = V4 jfife = (/0P 1= 10 = Iy
The last step reveals an interesting property: the rationalization process leads to the

mutual cancellation of the first- and second-order terms in f/f; in the numerator,
leaving only the third-order term. We thus approximate, for f « fi,

€ = —(f1f)° (6.39)

indicating a much smaller error than in Eq. (6.35). _

InFig. 6.27b, OA) contains the inverting op amp OA; inits fgedhack path, so its
input polarities have been interchanged to keep feedback negative. One can prove
(see Problem 6.46) that

1 1+ jf/05f: ~ 1+ iflfi
VR /T 1= jf/fi = (JI05602 — 1=3(f/f)?

(6.38)

() b

FIGURE 6.27 .
Active compensation of the integrator: (a) €4 = —(f/£:) . and (b) € = +f/ -

iR P
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where we have ignored higher-order terms in f/f;. We now have
& =+fIf (6.40)

Though not as shall as in Eq. (6.39), this phase error has the advantage of being
positive, a feature we shall exploit shortly,

Q-Enhancement Compensation

It has been found that the effect of nonideal op amps on dual-integrator-loop filters
such as the state-variable and biguad varieties is to raise the actual valye of Q above
the design value predicted under ideal op amp assumptions. This effect, aptly referred
to as Q enhancement, has beén analyzed? for the case of the biquad configuration in
terms of the phase errors introduced by the two integrators and the third amplifier.
The result is

2
I —40fo/f:

where fj is the integrator unity-gain frequency, f; is the op amp transition frequency,
and Q is the quality factor in the ideal op amp limit f; — occ. As pictured in Fig. 6.28
for a design value of @ = 25 and op amps with f; = 1 MHz, Qacal increases with
Jfo until it becomes infinite for fo = f;/4Q = 10%/100 = 10 kHz. At this point the
circuit bgcomes oscillatory.

Besides @ enhancement, the finite GBP of the op amps causes also a shift in the
characteristic frequency fp of the filter,

(6.41)

Qactual =

A
2R = (i (6.420)
fo
For small @ deviations, Eq. (6.41) gives
A
& =40h/s (6.425)

Together, these equations indicate the GBP that is needed to contain Afy/fp and
A @/ within specified limits,

Qucrual

s

50
45
40
35
30
25

L 1
fo H2)
102 10? 10t ‘

FIGURE 6.28
© enhancement.

EXAMPLE 69. Specify suitable components in the biquad filter of Fig. 3.36 to achieve
fo = 10kHz, @ = 25, and Hope = 0 dB, under the constraint that the deviations of fo
and @ from their design values because of finite GBPs be within 1%.

Solution. Use Ry=R;=Rs=R;=10kQ, R;=R; =250k, C,=Cy=5/x nF.
To meet the fo and Q specifications, we need, respectively, f; > fo/(Afo/fo)=
10°/0.01 =1 MHz, and f, >4 x 25 x 10*/0.01 = 100 MHz. The Q specification is
the most demanding, so we need GBP > 100 MHz.

The onerous GBP requirements imposed by the Q specification can be relaxed
dramatically if we use phase-error compensation to eliminate the Q-enhancement
effect. Figure 6.29a shows a passively compensated realization of the filter of
Example 6.9, but using 1-MHz op amps. To compensate for the phase errors of
the integrators as well as the inverting amplifier, whose pole frequency fp is half

Ry
250 k$}
Vi
sﬂ)
Ry
250 kQ Ry
v, 10k
»
FIGURE 6.29

Biquad filter with (a) passive and (b) active compensation.
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the pole frequency £, of each integrator, we use a single capacitance, but four times
as large as that predicted by Eqg. (6.36), or Co=2/(nRf,) =64 pF.
Figure 6.29b eliminates the Q-enhancement effect usin g the active compensation

Whether actively or passively compensated, the filter stif] exhibits the frequency
shift of Eq. (6.42a). We eliminate it by altering the design values so as to make actual
values coincide with desired values, a technique referred to as predistortion.

EXAMPLE 6.10. (a) Verify the circuits of Fig. 6.29 with PSpice. (b) Predistort the
component values so that f, = 10 kHz.

Solution.

(a) Let nodes be numbered sequentially from left to right, and let ay = | V/uV and

f» = 1 Hz. The following circuit file uses the LAPLACE facility of PSpice as an
alternative method for simulating a( jf).

Biguad filter with £0'= 10 kny, q = 25, HOBP = 0 4B:
vil0 ac1v

R3 1 2 250k

R4 2 ) 250k

C1 2 3 1.5915oF

&OAl 3 0 Laplace IV(O,2)}-!1!6/(10'/6.2!3”
B2 3 ¢ 10k

C2 4 5 1,5915q8

@0A2 5 0 Laplace {v(o,l)|-|1l6/(10ll§.283”
RS 5 6§ 10k

R6 6 7 10k

e0A3 7 0 Laplace (V(O,G)l-(llﬁl(1+ll€.283”
R1 7 2 10k

-ac lim 100 9.1kxHz 11knHz

-probe ;H = V(3)/v(1)

.eand

The results of the simulation, shown in Fig. 6.30 (top) reveal an intolerable ¢
enhancement. To provide passive compensation, we simply add the statement

Cc 2 7 64pPr

whereas to provide aclive compensation, we change the node connections for C,,
OA;. and R|, as

C2 4 7 1,5915nF
€OA2 5 0 Laplace |V(|,0)|~|136l(14l16.283)|
R1 5 2 10k

everything else remaining the same. The plot shows that compensation, whether
active or passive, eliminates Q enhancement. However, by Eq. (6.42a), we still have
a frequency downshif( compared to the ideal response, The ideal response has been
ubtained by changing the value of each Laplace source from 1x6 to 189,

o

[ P » R S,

redist & actively comp

-10

L S

-ISA--‘-~-----~“---"-—---»—---—*-l-ﬂ- ---------------------------- l‘“‘ﬂ:

9.1z
a e« dBIV(I/VUY F

FIGURE 6.3¢ .
Frequency plots for the circuit of Example 6.10.

i i Il resistances by the
i = 10 kHz, we reduce either all capacitances or'a :
@ :r?\::::“}o{uf, = 10°/10° = 0.01, or 1%. For instance, changing both capacntan;fs
from £.5915 nF to 1.5756 oF in the circuit of Fig. 6.29b gives a response hardly
distinguishable from the ideal one, as shown in Fig. 6.30 (bottom}.

Before concluding, we wish to point out that the results derived above f(:r::}::i?::l
tive compensation schemes are based on a single-pole ;)fpen:k:og resrg:;s;;e roctical
ibi itional higher-order roots whose effect is to inc m
op amps exhibit additional : . o Increase e ron
i hat associated with a single pole. :
of phase lag at f; sometimes well above | S / e o)
is i i ing-i tics, a subject that will be addre
lag is introduced also by inverting-input parasitics, a Ll i resse
Sfction 8.2. Consequently, a practicat filter circuit may exhibit Ioca!lzed osc1ll:mons,
thus requiring additional compensation measures in order to function properly.

6.6
EFFECT OF FINITE GBP ON FILTERS

To assess the effect of finite GBPs on filter performance we must ta}(et lr:lo sa:cc;:::
the open-loop gain a(jf) when deriving lransfer funcllons..ylt is la|r o n:'aﬁon
because of the additional reactive element prpvndefi by the mlet::g Cm:s‘z] ation
capacitance C,, the order of the transfer function will generally be incre: y
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nember of op amps present. The amount of algebra involved is still manageable in
the case of first-order filters, but becomes prohibitive as the order and complexity of
the filter are increased.

First-Order Filters

First-order filters can be solved analytically, as already exemplified by the integrators
of the previous section. We present an additional example in the high-pass filter
of Fig. 6.31a. Ideally, this filter has the cutoff frequency fo=1/2aR|C and the
high-frequency gain Hp = —Ra2/R). To investigate the effect of GBP, we first find

1/B=1+ Ry/(Ry +1/j27fC), or

P_olwifte o L fy
B 1+ jfifp P~ 2zR,C 2T 14 Ry/Ry
This function has the high-frequency asymptote 1/800 = 1+ R/ R}, soitintercepts
the |a| curve at
Jfr = Boo ft = £1 /(1 + R2/Ry) (6.43)
The actual transfer function H = Higea x 1/(1 + 1/T) is thus
. RN\ iflhe 1
Hin = () 7 x (6.44
D=\ T ifthe VT I )

As also shown graphically in Fig. 6.31b, the finite GBP has changed the filter from
a first-order high-pass to a second-order wideband band-pass. As usual, the region
of nearly ideal high-pass behavior is f « f, where {T| > 1.

FIGURE 6.31
High-pass filter with gain. #

EXAMPLE 611. Inthecircuitof Fig. 6.31alet C = 5/7 nF, R, = 10k, R; = 30k,
and GBP = | MHz. Find the frequency range over which the departure of |H| from
| Hideu | is less than 1%. How does the finite GBP affect the cutoff frequency?

Solution. We have £, = 105/(1 + 30/10) = 250 kHz. Imposing VA/T + (//f:)® 2
0.99 yields f < 36.6 kHz. Ideally, f 345 = fo = 10 kHz. To find the actual value.

impose [1 + (f-108/fo)? 1! + (f-3a8/f:)"] = 2(f-348/f0)*. This gives f3ap =
10.0t6 kHZ, 50 Af.gdglf_gdg = 0.16%.

Additional first-order filter examples are covered in the end-of-chapter problems-

Second-Order Filters

The analysis of second-order filters is more contrived than that of first-order circuits.
In a single-op-amp configuration the actual transfer function H (s) will have three
poles; in a three-op-amp structure such as the SV and biquad filters, H (s} will have
five poles. In general, the effect of finite GBPs is to create new poles as well as
rearrange the existing ones, thus altering the frequency response. In some cases the
poles may spill into the right half of the s plane and lead to instability; the biquad
filter of Section 6.5 is an example.

To gain a qualitative feel, we investigate the multiple-feedback filter of Fig. 6.32
for the equal-C case. To find H(s), we first obtain an expression for V, in terms of
V; and V,, by applying KCL at nodes 2 and 4. Then, we let V,, = —a(s)V,, and solve
for the ratio V/ V;. The result is

(s/wo)/Q
H{s) = Hogp 2 s 172 2Q2+l s (6.45)
—7+-——+l+*(—2-+--——~——+l)
wy Qoo a \wj g w

where Hgpp, wyp, and Q are as in Eq. (3.71). It is apparent that once we substitute
a = wy /s = 21 fi /s, we end up with a third-order function, whereas for a = oo the

order is only two.

FIGURE §.32
PSpice circuit of a multiple-feedback band-pass
filter.

We are primarily interested in the deviations of the resonance frequency and
the —3.dB bandwidth from their design values. It has been shown? that as long as
Ofy < f;, we have

Afo .. AQ
e AL st A 6.46
o 0 Ofo/fi (6.46)

EVidPnlly the product Q x fo provides an indication of how demanding the filter
Specifications are in terms of the GBP.

EXAMPLE ¢.12. Using 10-nF capacitances, specify suitable components in the circuit
of Fig. 6.32 for Hopp =0dB, f; = 10kHz, @ = 10, and a BW deviation from its design
value due to finite GBP of 1% or less.

Solution, Using Eqs.(3.72)and (3.73), we get R, = 15.92kQ2, R, =79.98 2, and R; =
31.83kQ. Since BW = fo/ 0, Eq. (6.46) gives ABW/BW = —20)/,/f:. Consequently,
GBP > 2 x 10 x 104/0.01 = 20 MHz.

9
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CHAPTER 6 so as to make the actual values coincide with those given in the specifications. In this
Dynamic Op Amp  respect, PSpice simulation provides an invaluable tool in determining the amount of
Limitations predistortion required for a given value of f;.

EXAMPLE 6.13. Design a filter meeting the specifications of Example 6.12 with a
1-MHz op amp.

Solution.. With f; = | MHz we get 0fy/f, = 0.1, so by Eq. (6.46) we expect a
decrease in fy and an increase in Q on the order of 10%. For more accurale estimates
we use PSpice with the following input file.

NF band-pass filter with £0 = 10 kHx and Q « 10:
@ Vi10 acly

Rl 12 15.92k

R2 20 79.98

R3 4 3 31.83k

€123 10nr

€2 2 4 10nP

*0p amp with GBP = 1 MHx:

eOA 3 O Laplace ({V{(0,4)]={1R6/(1+8/6,.283))
.ac 1lin 1000 SkHx 20kHx

-probe ;H = V(3}/V¥(1)

.end

P Actusl response

Hy
B+ 2 gBE(V(3/Y(L))

FIGURE 6.33
Frequency plots for the band-pass filter of Example 6.13.

With reference to Fig. 6.33 (top), we use the cursor facility of the Probe postprocessor
to measure fo = 9.12 kHz, Hopp = 0.983 V/V, f, = 8.71 kHz, and fy = 9.56 kHz.
So, @ = fo/(fu ~ fu) = 10.8.

To achieve the desired parameter values, we redesign the circuit for fp = 10/9.12 =
109 kHz, @ = 10/10.8 = 9.29, and Hyap = 1/0.983 = 1.02 V/V. Using again
Eqgs. (3.72) and (3.73), we find that the following changes need to be made.

Rl11 2 13.3k
R2 2 0 78.6
R} 4 3 27.0k

The responses before and after predistortion are compared in Fig. 6.33 (bottom). Also
shown for reference is the ideal response, obtainedby changing the value of the son
source from 1x6 to 189 in the original file.

The interested reader is referred to the literature? for detailed studies of the
effect of finite GBP on filters. Within the scope of this book, we limit ourself to
finding the actual response via computer simulation, using the more realistic SPICE
macromodels provided by the manufacturers, and then applying predistortion in the
manner of Examples 6.10 and 6.13. As rule of thumb, one should select an op amp
with a GBP at least an order of magnitude higher than the filter product @ fo in order
to reduce the effect of GBP variations due to environmental and manufacturing
process variations.

6.7
CURRENT-FEEDBACK AMPLIFIERS!?

The op amps considered so far are also referved to as voltage-feedback amplifiers
(VFAs) because they respond to voltages. As we know, their dynamics are lim-
ited by the gain-bandwidth product and the slew rate. By contrast, current-feedback
amplifiers (CFAs) exploit a circuit topology that emphasizes current-mode oper-
ation, which is inherently much faster than voltage-mode operation because it is
less prone to the effect of stray node-capacitances. Fabricated using high-speed
complementary bipolar processes, CFAs can be orders of magnitude faster than
VFAs.

As shown in the simplified diagram of Fig. 6.34, a CFA consists of three stages:
(@) a unity-gain input buffer, (b) a pair of current mirrors, and (c) an output buffer.
The input buffer is based on the push-pull pair @ and @2, whose purpose is to
provide very low impedance at its output node vy, which also acts as the in-
verting input of the CFA. In the presence of an external network, the push-pull
pair can easily source or sink a substantial current iy, though we shall see that
in steady state iy approaches zero. Q| and (3 are driven by the emitter follow-
ers (3 and Q4, whose purpose is to raise the impedance and lower the bias cur-
rent at the noninverting input v p. The followers also provide suitable pn-junction
voltage drops to bias @ and (3 in the forward-active region and thus reduce
crossover distortion. By design, the input buffer forces vy to track vp. This is
similar to ordinary VFAs, except that the latter force vy to track vp via negative
feedback.
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FIGURE 6.34

Simplified circuit diagram of a current-feedback amplifier.

Any current drawn at node vy by the external network causes an imbalance

between the currents of the push-pull pair,

iy —iz=IN 6.47)
The current mirrors Qs-Qg and Q7-Qg replicate i) and i; and sum them at a
common node called the gain node. The voltage of this node is buffered to the
outside by another unity-gain buffer made up of Q9 through Q)2. Ignoring the input
bias current of this buffer, we can write, by Ohm’s law,

Vo = ZUf)In (6.48)
where z(jf), the net equivalent impedance of the gain node toward ground, is called
the open-loop transimpedance gain. This transfer characteristic is similar to that of
a VFA; except that the error signal i i is a current rather than a voltage, and the gain
z(jf) is in volts per ampere rather than volis per volt. For this reason CFAs are also
called transimpedance ampBfiers.

The relevant CFA features are summarized in the block diagram of Fig. 6.35,
where z has been decomposed into the transresistance component Req and trans-
eapacitarice component Ceq. Letting z(jf) = Req || (1/j271f Ceq) and expanding,
we get

20

z(jf) = ¥ (6.49)
1

o= 37 RogCoy (6.50)

FIGURE .35
Block diagram of a CFA configured as a noninverting amplifier.

where 79 = Req is the de value of z(jf). The gain z(jf) is approximately constant
from dc to fp; thereafter it rolls off with frequency at the rate of —10 dec/dec.
Typically, R is on the order of 105 €2 (which makes zg on the order of 1 V/pA),
Ceq 0n the order of 10~12 F and ), on the order of 10° Hz.

EXAMPLE ¢.14. The CLC401 CFA (Comlinear) has z=0.71 V/uA and f =
350 kHz. (a) Find Ceq. (b) Find iy for vp =5 V (dc).

Solution,

@) Req =710k, 50 Coq = 1/ (27 R fy) = 0.64 pF.
(b) iy =vo/Req =7.04 pA. :

Closed-Loop Gain

Figure 6.36a shows a simplified CFA mode), along with a negative-feedback net-
work. Whenever an external signal V; tries to unbalance the CFA inputs, the input
buffer begins sourcing (or sinking) an imbalance current /,. By Eq. (6.48), this
Current causes V,, to swing in the positive (or negative) direction until the original
imbalance is neutralized via the negative-feedback loop, thus confirming the role of
In as error signal.

Applying the superposition principle, we can write

Vi V,

h=—— (6.51)
""RiIR, R,

Clearly, the feedback signal ¥,/R3 is a current, and the fecdback factor 8 = 1/R;
1s now in amperes per volt. Substituting into Eq. (6.48) and collecting gives the
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FIGURE 6.36
Noninverting CFA amplifier, and graphical method to visualize the loop gain |T|.

closed-loop gain

- V() ( R2) i
A = — = _—] — 3
W=y =\"*&)vT0n 632)
HU)=E%? (6.5%)

where T'(jf) is called the loop gain. This name stems from the fact that a current
flowing around the loop is first multiplied by z(jf) to be converted to a voltage, and
then divided by R> to be converted back to a current, thus experiencing an overall
gainof T(jf) = z(jf)/R2. In the decade plot of |z| and |1/ 8] of Fig. 6.36b we can
visualize the decade value of | T as the decade difference between the two curves,
For instance, if at a given frequency |z| = 10° V/A and |1/8] = 10 V/A, then
|71 = 1053 = 102,

In their effort to maximize 7 (jf) and thus reduce the gain error, manufacturers
strive to maximize z(jf) relative to R,. Consequently, the inverting-input current
In = V, /2 will be very small, even though this is the low-impedance output node
of a buffer. In the limit ; — oc we obtain I, — 0, indicating that a CFA will
ideally provide whatever output is needed to drive I, 1o zero. Thus, the inpur vollage
constraint

Vo > V, (6.54a)
and the input current constraints

I, — 0 I, -0 (6.54h)
hold also for CFAs, though for different reasons than for VFAs. Equation
{6.544) holds by design in a CFA, and by negative-feedback action in a VFA;
Eq. (6.54b) holds by negative-feedback action in a CFA, and by design in a VFA.
We can apply these constraints to the analysis of CFA circuits, very much like in the
analysis of conventional VFAs.!!

CFA Dynamics

To investigate the dynamics of the CFA of Fig. 6.35, we substitute Eq. (6.49) into
Eq. (6.53), and then into Eq. (6.52). This gives, for zo/R2 > 1,

1
if) = _— 6.55
A{jf) = Ap x i/ (6.55)
R 1
=142 = e 6.56
Ao=tdgh fi=go = (6.56)

where Ag and f; are, respectively, the closed-loop dc gain and bundwidth. With Ry
in the kiloohm range and Ceq in the picofarad range, f; is typically in the range of
108 Hz. We observe that for a given CFA, the closed-loop bandwidth depends on
only Rz. We can thus use Ry to set f;, and then adjust Ry to set Ag. The ability
to control gain independently of bandwidth constitutes the first major advantage of
CFAs over conventional op amps. Bandwidth constancy is illustrated in Fig. 6.37a.

Next, we investigate the transient response. Applying astep vy = Viqu(r) tothe
circuit of Fig. 6.36a will, by Eq. (6.51), result in the current iy = Vi /(R || R2) —
vo/ Ry With reference to Fig. 6.35, we can also write iy = v /Req+ Ceqdvo /dl1.
Eliminating iy, we get, for Ry < Req,

dv
RyCeq =2 +v0 = AgVim
dt
whose solution is vo = AgVim[1 — exp(¢/7)]u(r),

The response is an exponential transient regardless of the input step.magnitude,
and the time constant governing it is set by R, regardless of Ag. For instance, a
CLC401 op amp with Ry = 1.5k has T = 1.5 x 10% x 0.64 x 107'2 = | ns. The
rise time is rp = 2.2t = 2.2 ns, and the settling time within 0.1% of the final value
is tg = 7t = 7 ns, in reasonable agreement with the data-sheet values tgp = 2.5 ns
and trg = 10 ns.

1A vivy |A| (viv)
GBP = f,

100 100

N -

N 1
o fim
N

[N
'
1
1
10 p——————, 10 —-———)\——-}
! \\ 1
|| \\\fm
! : ‘Jf' f Weo)
0.1, f,\

> [ (d 1 A
{ (dec) 017, \
fi

(a) (hy

FIGURE 6.37 .
Closed-loop bandwidth as a function of gain for {a) an ideal CFA and (b) a practical
CFA.
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Since R; controls the closed-loop dynamics, data sheets usually recommend an
optimum value, typically in the range of 10? Q. For voltage follower operation R,
is removed, but R, must be left in place to set the dynamics of the device.

Second-Order Effects

According to the above analysis, once R has been set, the dynamics appear to be
unaffected by the closed-loop gain setting. However, the bandwidth and rise time of
apractical CFA do vary with Ag somewhat, though not as drastically as in VFAs. The
main reason is the nonzero output resistance rp of the input buffer, whose effect is to
reduce the loop gain somewhat, degrading the closed-loop dynamics in proportion.
Using the more realistic CFA model of Fig. 6.38a we get, by the superposition
principle, I, = V;/lrn + (Ry || R2)] — BV,, where the feedback factor 8 is found
using the current-divider formula and Ohm’s law,
B = R < | _ 1

CRi4rn Rt mhR) T Re+m(l+ Ry/Ry)
Clearly, the effect of ry is to shift the |1 /8| curve upward, from R2 to Ry + rp(1 +
R2/Ry). As pictured in Fig. 6.38b, this causes a decrease in the crossover frequency,

which we shall now denote as fp. This frequency is obtained by letting f; — fg
and R3 = Ry + rp(1 + Ra/R)) in Eq. (6.56). The result can be put in the form

fi
- 6.59
I = TR T Ry .59

where now f; is the extrapolated value of fg in the limitr, — 0.

(6.58)

V/A (dec)
Z
Vi
Ry+ 1, (1 + Ry/R))
R,
{a} “ h)
FIGURE 6.38

Effect of the output impedance r,, of the input buffer.

EXAMPLE 6.15. A certain CFA has f, =100 MHz for 1/8=15 V/imA. If R;=
1.5 kQ and r, =50 Q, find R, fg, and tp for Ag=1 VIV, 10 V/V, and 100 V/V.
Comment on your results.

Solution. By Eqgs. (6.56) and (6.59), we can write, for the present circuit,
Ry =R/(Ac—-])
fs = 10%/(1 + Ao/30)

Moreover, 1g = 2.2/2n fy. For Ag = |, {0, and 100 V/V we get, respectively, Ry = co,
166.7 2, and 15.15 Q; f5=96.8 MHz, 75.0 MHz, and 23.1 MHz; 1, =2.2/(21 x
96.8 x 10%) = 3.6 ns, 4.7 ns, and 15.2 ns. The bandwidth reductions, depicted in
Fig. 6.37b, still compare favorably with thuse of a VFA, whose bandwidth would be
reduced, respectively, by 1, 10, and 100.

The values of Ry and R; can be predistorted to compensate for bandwidth reduc-
tion. We first find R; for a given fp ata given Ay, then we find Ry for the given Ap.

EXAMPLE 6.16. (a) Redesign the amplifier of Example 6.15 so that with Ay = 10 V/
Vithas fg = 100 MHz rather than 75 MHz. (b) Assuming zy = 0.75 V/u A, find the
dc gain error.

Solution.

(a) For fp =100 MHz we need Ry +r,(! + R2/R))=1.5 VimA, or Ry = 1500 -
50 % 10 = 1 k. Then, Ry = Ry/(Ag — 1) = 10}/(10— 1) = 111 2.
&) To=Pzo=(1/1500)0.75x 10® = 500. The dc gainerrorise = —100/ Ty = —0.2%.

Applying CFAs

Though we have focused on the noninverting amplifier, we can configure a CFA for
other familiar lopologies."'12 For instance, if we lift Ry off ground in Fig. 6.36a,
and apply V; via R; with the noninverting input at ground, we obtain the familiar
inverting amplifier. Its dc gain is Ag=—R3/R|, and its bandwidth is given by
Eq. (6.59). Likewise, we can configure CFAs as summing or difference amplifiers,
1-V converters, and so forth. Except for its much faster dynamics, a CFA works much
like a VFA, but with one notorious exception that will be explained in Chapter 8: it
must never include a direct capacitance between its output and inverting-input pins,
since this tends to make the circuit oscillatory. In fact, stable amplifier operation
requires that 1/8 > (1/B)min, where (1/B)min is also given in the data sheets.
Compared to VFAs, CFAs generallyisuffer from poorer input-offset-voltage and
input-bias-current characteristics. Moreover, they afford lower dc loop gains, usually
on the order of 10° or less. Finally, having much wider bandwidths, they tend o be
noisier. CFAs are suited to moderately accurate but very high-speed applications.

PSpice Models

CFA manufacturers provide macromodels to facilitate the application of their prod-
ucts. Alternatively, the user can create simplified models for a quick test of such
characteristics as noise and stability. Figure 6.39 shows one such model.

vg (OV)
rl
YrOo—0 Vi Vo
—
1vp iy fera vy
FEGURE §.3%

Simple PSpice model for a one-pole CFA.
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EXAMPLE 6.17. Use PSpice to verify the case Ag = 10 V/V in Example 6.16.

Solution.

ns vi

FIGURE 6.40
PSpice circuit of Example 6.16.

With reference to Fig. 6.40, we write the following file.

Noninverting CFA Amp with A0 = 10 V/V and fB = 100 MHz:
*One-pole CFPA: 30 = 0.75 V/pA, £b = 200 kHx
.gubckt CFA vP VN vO

ein 1 0 vP ¢ 1 iinput butfer

rn 12 50 jbuffer’s cutput resistance
v8 2 vN de ¢ 10-V source to sense 1IN
tCFA 0 3 v 1 iCCCs

Req 3 0 750k 3dc gain

Ceg 3 0 1.061pF ; fB=200kHz

esout vO0 0 3 0 1 joutput buffer

.ends CFA

*Circuit to plot A and vo(t)

vl 10 ac 1V pulse(0 1V 0 0.1ns 0.1ins 10ns 20ns)

R1 0 2 111.1

R2 2 3 1k

XCPAl1 1 2 3 CFA

*Circuit to plot 1/beta

R2f 1 22 1k

R1f 22 0 111.1

mt 0 22 50

*Circult to plot z:

ve S 0 dc OV

XCFA2 1 5 6 CPA

RL 6 0 2k javeids floating ncdes

.ac dec 10 100kHz 1GH:z

.tran 0.5ns 10ne

.probe ;z=V(6)/I(Ve), 1l/beta=Vv(1)/I(rnf}
1A=V{3) /V(1), vO(t)=v(3)

.end

The results of the simulation are shown in Fig. 6.41.

High-Speed Voltage-Feedback Amplifiers

The availability of high-speed complementary bipolar processes and the emergence
of applications requiring increased speeds have led to the development of faster

1O e e ccsarraema e tacce et e s a s
Open-loop ximpedenee 0ain (V/A)

10K BRI .
1/beta (V/A)

L SRR

Clossd-1cop gain (d8)

oy
a v(3)
Tine
FIGURE 6.41
Frequency plots and step response for the CFA circuit of Exam-
ple 6.17.

voltage-feedback amplifiers (VFAs),!3 alongside the current-feedback amplifiers
(CFAs) just discussed. Though the borderline between standard and high-speed
VFAs keeps changing, at the time of writing we can take a high-speed VFA as one
having'4 GBP > 50 MHz and SR > {00 V/us. Two of the most popular high-speed
VFA architectures in current use are illustrated in Figs. 6.42 and 6.43.

The VFA of Fig. 6.42 is similar to the CFA of Fig. 6.34, except for the addition
of a unity-gain buffer (@3 through Q) to raise the input impedance at node vy,

KL §
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FIGURE 6.42
Simplified circuit diagram of a CFA-derived VFA.

and the fact that the dynamics-controlling resistor R is now driven by the two input
buffers. Since the current available to charge/discharge the gain-node capacitance
Ceq is proportional to the magnitude of the input voltage difference as (vp —vy)/R,
this VFA retains the slewing characteristics of a CFA. However, in all other respects
this architecture exhibits the characteristics of a VFA, namely, high input impedance
atboth nodes v p and v i, a decreasing closed-loop bandwidth with increasing closed-
loop gain, and better dc characteristics than CFAs as the dc errors of the two matched
input buffers tend to cancel each other out. This architecture can be used in all
traditional VFA configurations, including inverting integrators. An example of a
VFA using this architecture is the LT1363 70-MHz, 1000-V/us op amp (Linear

Technology).

Vec o—¢
i
. —t
i
—

Vig O—4&-

FIGURE 6.43
Simplified circuit diagram of a folded cascode bipolar VFA.

The trend toward high speed as well as low-power-supply voltages has inspired
the folded cascode architecture, which finds wide use both in complementary bipo-
lar processes and CMOS processes. In the bipolar illustration'3 of Fig. 6.43, any
imbalance between vp and vy will cause an imbalance in the collector currents of
the common-emitter apn pair Q| and (3, and this current imbalance is in turn fed
to the emitters of the common-base pnp pair Q3 and Q4 (hence the term folded
cascode). The latter pair is actively loaded by the current mirror Qs and Qg 10 pro-
vide high voltage gain at the gain node, whence the signal is buffered 1o the outside
via a suitable unity-gain stage. Product examples wtilizing this architecture are the
EL2044C low-power/low-voltage 120-MHz unity-gain stable op amp (Elantec), and
the THS4401 high-speed VFA (Texas Instruments) offering a unity-gain bandwidth
of 300 MHz, SR = 400 V/us, and ts = 30 ns to 0.1%.

PROBLEMS

6.1 Open-loop response

6.1 (a) Because of manufacturing process variations, the second-stage gain of a certain
741 op amp version is —a; = —544 VIV £20%. How does this affect ag. Jvoand f;?
(b) Repeat, but for C. = 30 pF £10%.

6.2 The open-loop response of a constant-GBP op amp is measured in the lab, If
Ya(j80 Hz) = —58° and la(j1 Hz)] = 100 V/mV, find dg, fp, and f.

6.3 Given that a constant-GBP op amp has la(j100 Hz)| = 1 V/mV and la(j1 MHz)| =
10 V1V, find (a) the frequency at which ¥a = —60°, and (b) the frequency at which
lai = 2 VIV. Hint; Start out with the linearized magnitude plot,

6.2 Closed-loop response

6.4 Show that the circuit of Example 6.2 yields A(jf) = Hyp x Hip. What are the values
of Ho[_p. fo, and Q”

6.5 (a) S‘how that cascading n idemical noninverting amplifiers with individual dc gains
Ao yields a composite amplifier with the overall bandwidth f5 = (f,/Ay)v277 — 1.
(b) Develop a similar expression for the case of n inverting amplifiers with individual
dc gains — 4.

6.6 ‘(a)'R.epeat Example 6.2, but for a cascade of three 741 noninverting amplifiers with
individual dc gains of 10 V/V. (b) Compare the —3-dB bandwidths of the one-op-amp,
wo-op-amp, and three-op-amp designs, and comment.

6.7 Y@} Consider the cascade connection of 2 noninverting amplifier with Ag = 2 V/V,
and an inverting amplifier with A9 = —2 V/V. If both amplifiers use op amps with
GBP = 5 MHz, find the —3-dB frequency of the composite amplifier. (b) Find the 1%
magnitude error and the 5 phase-error bandwidths.

68 (a) Find the closed-loop GBP of the inverting amplifier of Fig. P1.54 if R, =
Ry =-- =Ry =R ry»R, r, &R, and fi = 4 MHz. (b) Repeat if the source
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6.9

6.10

6.11

6.12

6.13

6.14

6.15

6.16

6.17

6.18

6.19

6.20

v; is applied at the noninverting input and the left terminal of R, is connected to
ground. (¢) Repeat part (b), but with the left terminal of R, left Aoating, Comment.

(a) Using a 741 op amp, design a two-input summing amplifier such that vg =
— 10(v} 4 v;): hence, find its —3-dB frequency. (b) Repeat, but for five inputs, or vp =
— 10{v) + - - - + vs). Compare with the amplifier of part (@) and comment.

Assuming 741 op amps, find the —3-dB frequency of the circuits of (a) Fig. P1.17,
(b) Fig. P1.19, (¢) Fig. P1.21, and (d) Fig. P1.65.

Find the —3-dB frequency of the triple-op-amp 1A of Fig. 2.21, given that all op amps
have GBP = 8 MHz. Calculate with the wiper all the way down and all the way up.

In the dual-op-amp 1A of Fig. 223 let Ry = R, = 1k, Ry = R, = 9k, and
Jn = fiz = | MHz. Find the —3-dB frequency with which the 1A processes V1, and
that with which it processes V.

Sketch and label the frequency plot of the CMRRg3 of the 1A of Problem 6.12. Except
for the finite f;, the op amps are ideal and the resistance ratios are perfectly matched.

A triple-op-amp instrumentation amlpliﬁer with A = 10 V/V is to be designed vsing
three constant-GBP, JFET-input op amps of the same family. Letting A = A; x A,
how would you choose A; and Ay in order to minimize the worst-case output dc error
Eo? Maximize the overall —3-dB bandwidth?

Three signals v, vz, and v are to be summed using the topology of Fig. P1.31, and
two alternatives are being considered: vp = v| + v + vy and vp = —(v, + v2 + v3).
Which option is most desirable from the viewpoint of minimizing the untrimmed dc
output error E¢? Maximizing the —3-dB frequency?

A unity-gain buffer is needed and the following options are being considered, each
offering advantages and disadvantages in the event that the circuit must subsequently
need to be altered: (a) a voltage follower, (b) a noninverting amplifier with Ao =
2 VIV followed by a 2:1 voltage divider, and (c) a cascade of two unity-gain inverting
amplifiers. Assuming constant-GBP op amps, compare the advantages and disadvan-
tages of the three alternatives.

Assuming the op amp of Fig. P1.60 has a constant GBP of 3 MHz, find the closed-loop
parameters Ag and fg. Except for the GBP, the op amp is ideal.

Find the closed-loop GBP of the inverting amplifier of Fig. 1.32a, given that R =
10k, Ry = 20kS2, Ry = 120k, Ry = 30kQ, R; = 00, and f; = 27 MHz. Except
for ts finite f;. the op amp can be considered ideal.

Find the closed-loop gain and bandwidth of the high-sensitivity /-V converterof Fig. 2.2
if R =200k$2, Ry = R; = 100k<2, and the input source has a 200-k2 parallel resistance
toward ground. The op amp is ideal, except for a constant GBP such that at 1.8 kHz the
open-loop gain is 80 dB.

The circuit of Fig. P1.21 is implemented with three 10-k§2 resistances and an op amp
with gy = 50 VimV, Ig = 50 nA, Iys = 10 nA, Vps = 0.75 mV, CMRRgs = 100 dB,

and f; = 1 MHz. Assuming v; = 5 V, find the maximum dc output error as well as the

small-signal bandwidth with both the switch open and the switch closed.

6.3 Input and output impedances

621

6.22

6.23

624

6.25

6.26

6.27

If the floating-load V- converter of Fig. 2.4a is implemented with an op amp having
ap = 10° VIV, fi, = 10 Hz, r. 3> 123> R, ro € R, and R = 10 kR, sketch and labei
the magnitude Bode plot of the impedance Z,(jf) seen by the load; hence, find the
element values of its equivalent circuit.

Find the impedance Z,(jf) seen by the load in the V-J converter of Fig. P2.5 if the
op amp has ag=10° V/V, f,=1 MHz, ry=00, r,=0, R/ =R,=18 kQ, and
Ry=2kQ. -

If the Howland current pump of Fig. 2.6a is implemented with four 10-kQ resistances
and an op amp having ag = 10° V/V, f, = 1 MHz, r = 0o, and r, =0, sketth and label
the magnitude plot of the impedance Z,, seen by the load. Justify using physical insight.

The negative-resistance converter of Fig. 1.20b is implemented with three 10-k 2 resis-
1ances and an op amp with GBP = | MHz. Find its input impedance Z,. How does it
change as f is swept from O to co?

The grounded-load current amplifier of Fig. 2.12 is implemented with R; = R =
10 k2 and an op amp having f; = 10 MHz, r4 = 00, and r, = 0. If the amplifier is
driven by a source with a parallel resistance of 30 k< and drives a load of 2 k2, sketch
and label the magnitude plots of the gain, the impedance seen by the source, and the
impedance seen by the load.

A constant-GBP JFET-input op amp with ap = 10° V/V, f; = 4 MHz, and 7, = 100 Q
is configured as an inverting amplifier with R; = 10k and R; = 20 k2. What is the
frequency at which resonance with a 0.1-uF load capacitance will occur? What is the
value of Q7

In the circuit of Fig. 1.32a let Ry = R; = Ry = 30k, Ry = Ry = 00, and let the
op amp have a; = 300 V/mV and £, = 10 Hz. Assuming rg = 00 and r, = 0, sketch
and label the magnitude plot of the impedance Z (;f) between node v, and ground. use
log-log scales.

In the circuit of Fig. 1.13b let both the 10-k$2 and 30-k<2 resistances be changed to
1 kS, and let the 20-k$2 resistance be changed to 18 k<. Assuming ry = 00,7, = 0,
and f, = 1 MHz, sketch and label the magnitudeplot of the impedance Z(j f) seen by
the input source; use log-log scales.

6.29 Let the inverting integrator of Fig. 6.25a be implemented with a 741 op amp, and with

R = 158kSzand C = | nF. Sketch and label the magnitude plot of its output impedance
Z,(jf): use log-log scales. Hint: First plot T

6.4 Transient response

6.30 Investigate the response of the high-sensitivity I-V converter of Example 2.2 to an input

step of 10 nA. Except for f; = | MHz and SR =5 V/us, the op amp is ideal.
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632 (a) Using a 741C op amp powered from +15-V regulated supplies, design a circuit that
gives vo = —(v; +5 V) with the maximum small-signal bandwidth possible. (b) What
) is this bandwidth? What is the FPB?
y
. 633 in inverting amplifier with Ay = —2 V/V is driven with a square wave of peak values
\ V,n and frequency f. With V;,, = 2.5 V, it is observed that the output turns from
\‘-~/’(rapezoidal to triangular when f is raised to 250 kHz; with f = 100 kHz, it is found
that slew-rate limiting ceases when Vi, is lowered to 0.4 V. If the input is changed to a
3.5-V (rms) ac signal, what is the useful bandwidth of the circuit? Is it small-signal or
large-signal limited?

6.34 Find the response of the cascaded amplifier of Example 6.2 to a 1-mV input step.

6.35 A cascaded amplifier consists of an op amp OA,, operating as a noninverting amplifier
with Ag = 420 V/V, followed by an op amp OA;, operating as an inverting amplifier
with Agp = —10 V/V. Sketch the circuit; then find the minimum values of f;;, SR, fi2,
and SR; needed 10 ensure an overall bandwidth of 100 kHz with a full-power output
signal of 5 V (rms).

6.36 Inthedual-op-ampIA of Fig.2.23let R3 = Ry = 1k, Ry = R, =9kQ,and f, = fu =
1 MHz. Find the small-signal step response if (@) v, = 0 and the step is applied at v2,
(b) v; =0 and the step is applied at v,, and (c) the step is applied at v; and v; tied
together.

6.37 Using the LF353 dual JFET-input op amp, whose ratings are Vosimas) = 10 mV, GBP =
4 MHgz, and SR =13 V/us, design a cascaded amplifier having an overall gain of
100 V/V as well as provision for overall offset-error nulling. (b) Find the small-signal
bandwidth as well as the FPB. (c) If the circuit is to operate with a 50-mV (rms) ac
input, what is its useful frequency range of operation? Is it small-signal or large-signal
limited?

6.38 ATLO71 JFET-input op amp is configured as an inverting amplifier with Ag = —10V/V
andis drivenby a 1-V (peak-to-peak) ac signal. Assuming ag = 200 VimV, f, = 3IMHz,
and SR = 13 V/us, estimate the peak-to-peak amplitude of the inverting input voltage
vy for f = 1 Hz, 10 Hz, ..., 10 MHz. Comment.

6.39 In the high-sensitivity I-V cqpverter of Fig. 2.2 let R = 100k, R, = 10k§2, R, =
30k, and let the op amp have f; = 4 MHz and SR = 15 V/us. Except for these
limitations, the op amp can be considered ideal. If i; = 20sin(2x f1) p A, what is the
useful bandwidth of the circuit? Is it small-signal or large-signal limited?

6.40 Equation (6.27) indicates that if we want to avoid slew-rate limiting in a voliage follower
implemented with an op amp having SR = 0.5 V/us and f, = | MHz, we must limit
the input siep magnitude below about 80 mV. What is the maximum allowed input step
if the same op amp is configured as: (@) An inventing amplifier with a gain of —1 V/V?
(b) A noninverting amplifier with a gain of +2 V/V? (c) An inverting amplifier with a
gainof —2 V/V?

6.41 Assuming equal resistors in the circuit of Fig. P1.54, find the minimum values of SR
and f, required for a useful bandwidth of § MHz for a sinusoidal input with a peak
amplitude of | V.

6.42 The wideband band-pass filter of Example 3.5 is to be implemented witu a constant
GBP op amp. Find the minimum f; and SR for an undistorted tull-power output
with a magnitude error of less than 1% over the entire audio range (that is, 20 Hz to
20 kHz).

6.5 Effect of finite GBP on integrator circuits

6.43 (a) Using a 741 op amp with four equal resistances and a 10-nF capacitance, design a
Deboo integrator with f = | kHz. (b) Skeich the linearized Bode plots of |a|, |[1/8].
and |H|. (¢) Find an expression for H{jf).

6.44 (a) Assuming ry = 00, r, =0, and a(jf) = [ /jf. find H(jf) for the compensated
integrator of Fig. 6.26a. (b) Show that letting C, = C/(f,/fo — 1) makes H = Hige,.
(c) Specify suitable components for fo=10 kHz, and verify with PSpice for f, =
1 MHz.

6.45 (a) Assuming ry =00, r,=0, and a(jf) = f,/if. ind H{jf) for the compen-
sated integrator of Fig. 6.26b. (b) Show that letting R, = 1/2x Cf, makes H = Higy.
(c) Specify suitable components for fo = 10kHzif r, = 100 2, and verify with PSpice
for f; = 1 MHz

6.46 (a)Find H(jf) for the circuit of Fig. 6.27b, rationalize it, and discard higher-order terins
to show that €4 = + f/f; for f « f,. (b) Verify with PSpice for the case fy = 10 kHz
and f, = 1| MHz.

6.47 (a) Find an cxpression for the phase error of the Deboo integrator of Problem 6.43.
(b) Find a suitable resistance R that, when placed in series with the capacitance, will
provide phase-error compensation.

1

6.48 The active compensation scheme of Fig. P6.48 (see Electronics and Wireless World, May
1987) is a generalization of that of Fig, 6.27a, in that it allows for phase-error control.
Verify that the error function of this circuitis (Y + j /82 £) /Y + jf 1 fo — £21B2f fi2),
B2 = R\ /(R + R;). What happens if the op amps are maiched and R, = R;? Would
you have any use for this circuit?

Ry

FIGURE P6.48
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6.49 The active compensation method of Problem 6.48 can also be applied to the
Deboo integrator, as shown in Fig. P6.49 (see Proceedings of the IEEE, Feb. 1979,
pp- 324-325). Show that for matched op amps and f < f, we have €, = —(£/0.5 f;)*.

R,

4 ’,R.

FIGURE P6.49
6.6 Effect of finite GBP on filters

6.50 The inverting amplifier of Fig. 1.10a is Emplemented with Ry = 10k, R; = 100k(?,
and a 741 op amp. Sketch and label the magnitude Bode plot of its closed-loop gain if
the circuit contains also a 100-pF capacitance in parallel with R;.

6.51 Investigate the effect of finite GBP on the phase-shifter circuit of Fig. 3.12a.

6.52 Investigate the effect of using op amps with GBP = } MHz in the inductance simulator
of Example 4.8.

6.53 Obtain an expression of the type of Eq. (6.45) for the low-pass KRC filter of Fig. 3.23.

6.54 Use the 4A74] macromodel of PSpice to assess the departure from ideality of the
band-pass response of the state-variable filter of Example 3.18. If needed, compensate
and predistort to improve accuracy.

6.55 Investigate the effect of using an op amp with GBP = 1 MHz in the notch filter of
Example 3.14.

6.56 The effect of finite GBP on the unity-gain KRC filter of Fig. 3.25 can be compensated
for by placing a suitable resistance R, in series with C and decreasing R to R — R..
(a) Show that compensation is achieved for R. = 1/25 Cf,. (b} Show the compensated
circuit of Example 3.10 if the op amp is a 741 type.

6.7 Current-feedback amplifiers

6.57 In this and the following problems, assume a CFA with 29 = 0.5 V/uA, Cq =
1.5SpF. r, = 25Q, 1p = ) uA, Iy = 2 pA, and (1/B)min = 1 V/mA. Moreover,
assume the input buffer has an offset voltage Vo5 = 1 mV. (a) Using this CFA, design
an inverting amplifier with Ay = —2 V/V and the maximum possible bandwidth. What
is this bandwidth? The dc loop gain? (b) Repeat, but for Ag = —10 V/V and the same
bandwidth as in part (a). (c) Repeat (a), but for a difference amplifier with a dc gain of
I VIV,

6.58 (a) Using the CFA of Problem 6.57, design a voitage follower with the widest possible
bandwidth. (&) Repeat, but for a unity-gain inverting amplifier. How do the closed-loop
GBPs compare? (¢) Modify both circuits so that the closed-loop bandwidth is reduced
in half. (d) How do the maximum dc output errors compare in the various circuits?

6.59 (a) Using the CFA of Problem 6.57, provide two designs for an /-V converter with a dc
sensitivity of - 10 V/mA. () How do the closed-loop bandwidths compare? How do
the maximum output errors compare?

6.60 The data sheets recommend the circuit of Fig. P6.60 1o adjust the closed-loop dynamics.
Assuming the CFA data of Problem 6.57, estimate the closed-loop bandwidth and rise
time as the wiper is varied from end to end.

FIGURE P¢.60

6.61 Using the CFA of Problem 6.57, design a second-order 10-MHz low-pass filter with
Q=5

6.62 (a) Sketch a block diagram of the type of Fig. 6.35, but for the CFA-derived VFA
of Fig. 6.42. Hence, denoting the output resistance of each input bufter as r,, obtain
expressions for the open-loop gaina (j ) and the slew-rate SR. (b) Assuming z(f f) can
be modeled with a 1-MS2 resistance in paralle! with a 2-pF capacitance, and R = 500 Q
and r, = 25, find ap, f5. fi, B, To. Ao, and fg, if Ry = Ry = 1kQ. (¢) What is the
SR for the case of a 1-V input step?
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7.1 Noise Properties
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7.6 Low-Noise Op Amps
Problems
References

Any unwanted disturbance that obscures or interferes with a signal of interest is
generally referred 10 as noise.!'2 The offset error due to the input bias current and
input offset voltage is a familiar example of noise, dc noise in this case. However,
there are many other forms of noise, particularly ac noise, which can significantly
degrade the performance of a circuit unless proper noise reduction measures are
tak.en. Depending on its origin, ac noise is classified as external, or interference,
noise, and internal, or inherent, noise.

Interference Noise

This. type of noise is caused by unwanted interaction between the circvit and the
Outside, or even between different parts of the circuit itself. This interaction can be
electric, magnetic, electromagpetic, or even electromechanical, such as microphonic
and pjezoelectric noise. Electric and magnetic interaction takes place through the
Parasitic capacitances and mutual inductances between adjacent circuits or adjacent
Parts of the same circuit. Electromagnetic interference stems from the fact that each
Wire and trace constitutes a potential antenna. External noise can inadvertently be
Injected into a circuit also via the ground and power-supply busses.

31
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Intesference noise can be periodic, intermittent, or completely random. Usually
it is reduced or forestalled by minimizing electrostatic and electromagnetic pickup
from line frequency and its harmonics, radio stations, mechanical switch arching,
reactive component voltage spikes, etc, These precautions may include filtering,
decoupling, guarding, electrostatic and electromagnetic shielding, physical reorien-
tation of components and leads, use of snubber networks, ground-loop elimination,
and use of low-noise power supplies. Though often misconceived as “black magic,”
interference noise can be explained and dealt with in a rational manper.3-4

Inherent Noise

Even if we manage to remove all intesference noise, a circuit will still exhibit inherent
noise. This form of noise is random in nature and is due to random phenomena,
such as the thermal agitation of electrons in resistors and the random generation
and recombination of electron-hole pairs in semiconductors. Because of thermal
agitation, each vibrating electron inside a resistor constitutes a minuscule current.
These currents add up algebraically to originate a net current and, hence, a net
voltage that, though zero on average, is c(’mslantly fluctuating because of the random
distribution of the instantaneous magnitudes and directions of the individual currents.
These fluctuations occur even if the resistor is sitting in a drawer. Thus, it is quite
appropriate to assume that each node voltage and each branch current in a circuit
are constantly fluctuating around their desired values.

Signal-to-Noise Ratio

The presence of noise degrades the quality of a signal and poses the ultimate limit on
the size of signals that can be successfully detected, measured, and interpreted. The
quality of a signal in the presence of noise is specified by means of the signal-to-noise
ratio (SNR)

X
n

where X; is the rms value of the signal, and X, is that of its noise component. The
poorer the SNR, the more difficult it is to rescue the useful signal from noise. Even
though a signal buried in noise can be rescued by suitable signal processing, such as
signal averaging, it always pays to keep the SNR as high as other design constraints
allow.

The degree to which circuit designers should be concerned about noise ultimately
depends on the performance requirements of the application. With the tremendous
improvements in op amp input offset-error characteristics, as well A-D and D-A
converter resolution, noise is an increasingly important factor in the error budget
analysis of high-performance systems. Taking a 12-bit system as an example, we
note that with a 10-V full scale, 5 LSB corresponds to 10/2!3 = 1.22 mV, which
by itself may pose problems in converter design. In the real world, the signal may
be produced by a transducer and require considerable amplification to achieve a

10-V full scale. Taking 10 mV as a typical full-scale transducer output, 5 LSB now
corresponds to 1.22 u V. If the amplifier generates only 1 1V of input-referred noise,
the LSB resolution would be invalidated!

To take full advantage of sophisticated devices and systems, the designer must be
able to understand noise mechanisms; perform noise calculations, simulations, and
measurements; and minimize noise as required. These are the topics to be addressed
in this chapter.

7.1
NOISE PROPERTIES

Since noise is a random process, the instantaneous value of a noise, variable is
unpredictable. However, we can deal with noise on a statistical basis. This requires
introducing special terminology as well as special calculation and measurement.

Rms Value and Crest Factor

Using subscript # to denote noise quantities, we define the root-mean-square (rms)
value X, of a noise voltage or current x,(¢) as

LT, 12
Xy = ?./0 xg()dt (7.2)

where T is a suitable averaging fime interval. The square of the rms value, or X2, is
called the mean square value. Physically, X 3 represents the average power dissipated
by xn(¢) in a 1-§2 resistor.

In voltage-comparator applications, such as A-D converters and precision mul-
tivibrators, accuracy and resolution are affected by the instantaneous rather than the
rms value of noise. In these situations, expected peak values of noise are of more
concern. Most noise has a Gaussian, or normal, distribution as shown in Fig. 7.1, so it
is possible to predict instantaneous values in terms of probabilities. The crest factor
(CF) is defined as the ratio of the peak value 1o the rms value of noise. Though all

Probability of instantancous
value of x (1) exceeding
value X

FIGURE 7.1
Voltage noise (right), and Gaussian distribution of amplitude.
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CF values are possible in principle, the likelihood of x;, {1) exceeding a given value X
decreases very rapidly with X, as indicated by the residual area under the distribution
curve. Suitable calculations’ reveal that for Gaussian noise the probability of CF
exceeding 1 is 32%, that of exceeding 2 is 4.6%, that of exceeding 3i80.27%, that
of exceeding 3.3 is 0.1%, and that of exceeding 4 is 0.0063%. It is common practice
to take the peak-1o-peak value of Gaussian noise to be 6.6 times the rms value, since
the instantaneous value is within this range 99.9% of the time, which is close 10
100%.

Noise Observation and Measprement

Voliage noise can readily be observed with an oscilloscope of adequate sensitivity.
An advantage of this instrument is that it allows us to actually see the signal and thus
make sure it is internal noise and not externally induced noise, such as 60-Hz pickup.
One way of estimating the rms value is by observing the maximum peak-to-peak
fluctuation, and then dividing by 6.6. A less subjective alternative® is to observe
noise with two equally calibrated channels, and adjust the offset of one channel until
the two noisy traces just merge; if we then remove both noise sources and measure
the difference between the two clean traces, the result is approximately twice the
rms value.

Noise can be measured with a multimeter. Ac meters fall into two categories:
true rms meters and averaging-type meters. The former yield the correct rms value
regardless of the waveform, provided that the CF specifications of the instrument are
not exceeded. The later are calibrated to give the rms value of a sine wave. They first
rectify the signal and compute its average, which for ac signals is 2/ times the peak
value; then they synthesize the rms value, which for ac signals is 1/+/2 times the
peak value, by amplifying the average value by (1/v2) /(2/m) = 1.11. For Gaussian
noise the rms value is ./7/2 = 1.25 times the average value, 5o the noise reading
provided by an averaging-type meter must be multiplied by 1.25/1.11 = 1.13, or,
equivalently, it must be increased by 20logy 1.13 = 1 dB to obtain the correct
value.

Noise Summation

In noise analysis one often neds to find the rms value of noise voltages in series
or noise currents in parallel. Given two noise sources xp1 (1) and x,2(r), the mean
square value of their sum is

1T 2 (T
x2= 2 [l + xo0f d =x3‘+x32+ff0 Kt (D (1) dt
0

If the two signals are uncorrelated, as is usually the case, the average of their product
vanishes, so the rms values add up in Pythagorean fashion,

This indicates that if the sources are of uneven strengths, minimization efforts should

be directed primarily at the strongest one. For instance, two noise sources with rms
values of 10 4V and 5 uV combine to give an overall rms value of /102 + 52 =
11.2 uV, which is only 12% higher than that of the dominant source. It is readily
seen that reducing the dominant source by 13.4% has the same etfect as eliminating
the weaker source altogether!

As mentioned, the dc error referred to the input is also a form of noise, so
when performing budget-error analysis we must add dc noise and rms ac noise
quadraticaily.

Noise Spectra

Since X} represents the average power dissipated by x,(¢) in a - resistor, the
physical meaning of mean square value is the same as for ordinary ac sigaals.
However, unlike an ac signal, whose power is concentrated at just one frequency,
noise power is usually spread all over the frequency spectrum because of the ran-
dom nature of noise. Thus, when refesring to rms noise, we must always specify
the frequency band over which we are making our observations, measurements, or
calculations.

In general, noise power depends on both the width of the frequency band and the
band’s location within the frequency spectrum. The rate of change of noise power
with frequency is called the noise power density, and is denoted as 8,2,( f)in the case
of voltage noise, and !'3( f) in the case of current noise. We have

20y = 9E8 2y 4l
e (f) = af l,.(f)—df (7.4)

where E2 and 1?2 are the mean square values of voltage noise and current noise.
Note that the units of 2(f) and i2(f) are volts squared per hertz (Vi/Hz) and
amperes squared per hertz (A2/Hz). Physically, noise power density represents the
average noise power over a | -Hz bandwidth as a function of frequency. When plotted
versus frequency, it provides a visual indication of how power is distributed over the
frequency spectrum. In integrated circuits, the two most common forms of power
density distribution are white noise and 1/f noise,

The quantities e,(f) and in(f) are calied the spectral noise densities, and
are expressed in volts per square root of hertz (V/«/l—‘l:‘z) and amperes per square
root of hertz (A/+/Hz). Some manufacturers specify noise in terms of noise power
densities, others in terms of spectral noise densities. Conversion between the two is
accomplished by squaring or by extracting the square root.

Multiplying both sides in Eq. (7.4) by df and integrating from f; to fy, the
lower and upper limits of the frequency band of interest, allows us to find the rms
values in terms of the power densities,

fn 172 I, 172
En-(]ﬁ e,.(f)df) l,.=(jfl t,,(f)df) (1.5)

Once again it is stressed that the concept of rms cannot be separated from that of
ffequency band: in order to find the rms value we need 1o know the lower and upper
limits of the band as well as the density within the band.
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White Noise and 1/f Noise

White noise is characterized by a uniform spectral density, or e, = epyp andiy = iy,
where eny and iny, are svitable constants. It is so called by analogy with white light,
which consists of all visible frequencies in equal amounts. When played through a
loudspeaker it produces a waterfall sound. Applying Eq. (7.5) we get

Ey=enwv fa— fL In = inw V' fii — fL (7.6)

indicating that the rms value of white noise increases with the square root of
the frequency band. For fy > 10f; we can approximate as E, = ep,/fy and
In = inw</fa at the risk of an error of about 5% or less.

Squaring both sides in Eq. (7.6) yields E2 =e2, (fy — fi) and 2=i2,
(fH# = f1), indicating that white-noise power is proportional 1o the bandwidth,
regardless of the band’s location within the frequency spectrum. Thus, the noise
power within the 10-Hz band between 20 Hz and 30 Hz is the same as that within
the band between 990 Hz and | kHz.

The other common form of noise is 1/f noise, so called because its power den-
sity varies with frequency as eﬁ(f) = Kﬁ/f and r',%(f) = K‘-Z/f, where K, and X;
are suvitable constants. The spectral densities are e, = K,//F and i, = K;/ /7,
indicating that when plotted versus frequency on logarithmic scales, power densi-
ties have a slope of —1 dec/dec, and spectral densities a slope of —0.5 dec/dec.
Substituting into Eq. (7.5) and integrating yields

Ep = Ky /In(fu/fL) I = Kivin(fu/fL) amn

Squaring both sides in Eq. (7.7) yields E2=K2In(fy/fr) and 2=
K ,2 In(fy/f1), indicating that 1/f-noise power is proportional to the log ratio of
the frequency band extremes, regardless of the band’s location within the frequency
spectrum. Consequently, | /f noise is said to have the same power content in each
frequency decade (or octave), Once the noise rms of a particular decade (or octave)
is known, the noise rms over m decades (or octaves) is obtained by multiplying the
former by /m. For example, if the rms value within the decade 1 Hz < f < 10Hz
is 1 uV, then the noise rms in the 9-decade span betow 1 Hz, that is, down to about
1 cycle per 32 years, is VIx 1 puv=3uv.

Integrated-Circuit Noise

Integrated-circuit noise is a mixture of white and 1/ noise, as shown in Fig. 7.2. At
high frequencies, noise is predominantly white, while at low frequencies 1/f noise
dominates, The borderline frequency. or corner frequency, is found graphically as
the intercept of the 1/f asymptote and the white-noise floor. Power densities are
expressed analytically as

d=du(Lear)  B-d(B) (78)
where ey, and iy, are the white-noise floors, and f.. and f; the comner frequen-

cies. The nA741 data sheets of Fig. 5A.8 indicate ey, = 20 nV//Hz, f., =200 Hz,
inw =05 pA/YHz, and f,; =2 kHz. Inserting Eq. (7.8) into Eq. (7.5) and

e, (log) . i, (log}

£ (log)

£ (log)

FIGURE 7.2
Typical IC noise densities. -

integrating, we get

Ep = epy \/fce Wn(fg/fL)+ fu— fr (1.9a)
In = inwv/ fei W(fHIF ¥ f - (7.95)

EXAMPLE 7.1. Estimate the rms input voltage noise of the 741 op amp over the
following frequency bands: (a) 0.1 Hz to 100 Hz (instrumentation range), (b) 20 Hz to
20 kHz (audio range), and (¢} 0.1 Hz to 1 MHz (wideband range).

Solution.

{a) Equation (7.9a) gives E,=20x10"%/2001n(102/0.1) 4+ 102 — 0.1 =20 x
10-°/1382 + 989 = 0.770 uV .

(b) Ey, =20 x10"°/1383 + 19,980 = 2.92 uV

(©) En =20 x 107%/3224 3 106 = 20.0 uV

We observe that 1 /f noise dominates at low frequencies, white noise dominates
at high frequencies—and the wider the frequency band, the higher the noise. Con-
sequently, to minimize noise one should limit the bandwidth to the strict minimum
required.

12
NOISE DYNAMICS

A common task in noise analysis is finding the total rms noise at the output of
a circuit, given the noise density at its input as well as its frequency response. A
typical example is offered by the voltage amplifier. The noise density at the output is
€no( f) = |An(jif eni (f), where en; { f) is the noise density at the input and A, (jf)
is the noise gain. The total output rms noise is then E},, = [ 2 (fydf,or

00 2 1/2
Em,:( ]0 |AnCif) ez,-(f)df) - (7.10)

Similar considerations hold for current amplifiers. Another common example is
offered by the transimpedance amplifier. Denoting its input noise density as in( f)

k1)

SECTION 7.2
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and its noise gain as Z,(jf), we have

&0 2.2 12
Epy = (/0 IZu(ff)| i) df) 7.1

Similar considerations apply to transadmittance and current amplifiers.

Noise Equivalent Bandwidth (NEB)

As an application example of Eq. (7.10), consider the case of white noise with
spectral density e,,, going through a simple RC filter as in Fig. 7.3a. Since |Anl? =
/{1 + (f/fo)°], where fy is the —3-dB frequency, Eq. (7.10) gives

0o 142 .
Eno = €nuw (/(; ']"I‘(‘%YOTZ') =enyVrfo/2=eny V1.5 f0 (1.12)

Comparing with Eq. (7.6), we observe that white noise is passed as if the filter
were a brick-wall type, but with a cutoff frequency 1.57 times as large. As depicted
in Fig. 7.3b, the fraction 0.57 accounts for the transmitted noise above fo as a
consequence of the gradual rolloff, or skirt. This property holds for all first-order
low-pass functions, not just for RC networks. As we know, the closed-loop response
of many amplifiers is a first-order function with fp = Af as the —3-dB frequency.
These amplifiers pass white noise with a cutoff frequency of 1.57 .

The quantity 1.57 fy is called the noise equivalent bandwidth (NEB) of the given
circuit. More generally, the NEB of a circuit with noise gain A, (jf) is defined as?

1

b 2
/ |An N df (7.13)
n(max) o

where Apqnax) is the peak magnitude of the noise gain. The NEB represents the
frequency span of a brick-wall power gain response having the dame area as the
power gain response of the original circuit.

The NEB can be computed anatytically for higher-order responses. For instance,
for an nth-order maximally flat low-pass response we have

NEBumF = f ©_ 4 (1.14a)
M h TG '
Gain
- Brick-wall
1 equivalent
R il
R N !
. c “ :l L\
I - 0 ' — f
o~ P o 0 L 157
(a) (4]
FIGURE 7.3

Noise equivalent bandwidth (NEB).

The results are? NEByp = 1.57fg forn=1, 1.1 fy for n =2, 1.05f; for n =3,
and 1.025 fy for n =4, indicating that NEBpmg rapidly approaches fiy as n is
increased,

Likewise, one can prove (see Problem 7.3} that the noise equivalent bandwidths
of the standard second-order low-pass and band-pass functions Hy p and Hgp defined
in Section 3.4 are, respectively,

NEBLp = Q*NEBgp = Qn fp/2 (7.14b)

When the NEB cannot be calculated analytically, it can be estimated by piece-
wise graphical integration, or it can be found by computer via numerical integration.
Numerical integration can be carried out with PSpice using the “s” function available
with the Probe postprocessor.

EXAMPLE 7.2. Use PSpice to find the NEB of the circuit of Fig. 7.4, given that the op
amp has GBP = | MHz.

Solution. The input circuit file is as follows.

rinding the NEB:

vil0ac1v

Rx 1 0 1k iavoids floating nodes
Cl 0 4 wr

Rl 4 2 1k

R1 2 3 100k

€2 2 3 10nP

eal 5 0 1 2 100% 180 = 100 V/imv

Reg 5 6 1Meg
Ceq 6 0 15.72nPF
ebut 3 06 01
.ac dec 10 1Hz 100MegHz

.probe ;A=V(3}/V({1l), NEBas{vm{3)*vm(3})/2601
.end [

1fb = 10 Hz

The plot of Fig. 7.5 (top) indicates that Apqmaxy =51 V/V, so we direct the Probe post-
processor to display a{vm(3}*vm(3))/2601. The resulting curve, shown in Fig. 7.5
(bottom), tends asymptotically to the value NEB = |.1 kHz.

10 nF
1 L
1}
4 1k 100 k$2
| uF'[ 2
I .y,
= ] 3
VI
FIGURE 7.4

PSpice circuit of Example 7.2.
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dc current, flicker noise requires a dc current in order to exist. Resistors of the wire-
wound type are the quietest in terms of 1/f noise, while the carbon composition
types can be noisier by as much as an order of magnitude, depending on operating
conditions. Carbon-filim and metal-film types fall in between. However, if the appli-
cation requires that a given resistor carry a fairly small current, thermal noise will
predominate and it will make little difference which resistor type one uses.

Avalanche Noise

This form of noise is found in pn junctions operated in the reverse breakdown mode,
Avalanche breakdown occurs when electrons, under the influence of the strong elec-
tric field inside the space-charge layer, acquire enough kinetic energy to create addi-
tional electron-hole pairs by collision against the atoms of the crystal lattice. These
additional pairs can, in turn, create other pairs in avalanche fashion. The resulting
current consists of randomly distributed noise spikes flowing through the reverse
biased junction. Like shot noise, avalanche noise requires current flow. However,
avalanche noise is usuaily much more intense than shot noise, making Zener diodes
notoriously noisy. This is one of the reasons why voltage references of the bandgap
type are preferable to Zener-diode references.

Noise in BJTs

With the exception of avalanche noise, transistors generally exhibit all forms of
noise just discussed. A feel for transistor noise mechanisms will help the user better
understand the noise characteristics of op amps. As shown in Fig. 7.8, transistor noise
is characterized by a pair of equivalent input noise sources with spectral densities
en and ip,

The noise power densities for BJTs are’

i
€2 = &T (r,, + —) (7.18a)
28m
18 I
2 B C
i =2q(13+K.—+-—_-) (7.18b)
" I BGNHIR
where rp, is the intrinsic base resistance, /g and /¢ are the dc base and collector
c D D
€, e, e,

Bm{}ﬁ
) G

\Novj
o
N7

(a) ®) (c}

FIGURE 7.8
Transistor noise models.

currents, gm = qlc/kT is the transconductance, K; and a are appropriate device
constants, and B(jf) is the forward current gain, which decreases at high frequencies.

In the expression for eﬁ, the first term represents thermal noise from rp, and the
second term represents the effect of collector-current shot noise referred to the input.
In the expression for i:‘,’, the first two terms represent base-current shot and flicker
noise, and the last term represents collector-current shot noise reflected to the input.

To achieve a high 8, the base region of a BJT is doped lightly and fabricated
very thin. This, however, increases the intrinsic base resistance r. Moreover, the
transconductance g, and the base current /g are directly proportional to /¢. Thus,
what works to minimize voltage noise (low r, and high I¢) is the opposite of what
is good for low current noise (high § and low I¢). This represents a fundamental
tradeoff in bipolar-op-amp design. "

Noise in JFETs
The noise power densities for JFETs are’
2 18/82
2 D/Sm
en =T | — + K2—F— (7.19a)
" (38m 2 f
2 1%
i2=2l¢ + (i"—f—cs—‘) (4kT—2-gm + K;—") (7.19b)
&m 3 f

where g is the transconductance; {p is the dc drain current; /g is the gate leakage
current; K5, K3, and a are appropriate device constants; and Cg is the gate-to-source
capacitance.

In the expression for 2, the first term represents thermal noise In the channel,
and the second represents drain-current flicker noise. At room temperature and at
moderate frequencies, all terms in the expression for i,% are negligible, making JFETs
virtually free of input current noise. Recall, however, that gate leakage increases very
rapidly with temperature, so i2 may no longer be neglected at higher temperatures.

Compared to BITs, FETs have notoriously low g values, indicating that FET-
input op amps tend to exhibit higher voltage noise than BIT-input types for sim-
ilar operating conditions. Moreover, 83 in the JFET contains flicker noise. These
disadvantages are offset by better current noise performance, at least near room
temperature.

-

Noise in MOSFETs
The noise power densities for MOSFETs are’
2 1
I — + Kg—— (7.20a)
e, 4kT3gm+ 4WLf
i2=2l¢ _ (7.20)

where g, is the transconductance, K4 is a device constant, and W and L are the
channel width and length. As in the JFET case. r',? is negligible at room temperature,
but increases with temperature.

-y
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In the expression for e,z,, the first term represents thermal noise from the channel
resistance and the second represents flicker noise. It is the latter that is of most concemn
in MOSFET-input op amps. Flicker noise is inversely proportional to the transistor
area W x L, so this type of noise is reduced by using input-stage transistors with
large geometries. As discussed in Chapter 5, when large geometries are combined
with common-centroid layout techniques, the input offset voltage and offset drifi
characteristics are also improved significantly.

Noise Modeling in PSpice

When performing noise analysis SPICE calculates the thermal-noise density for each
resistor in the circuit, as well as the shot-noise and flicker-noise densities for each
diode and transistor. When using op amp macromodels, the need arises for noise
sources with spectral densities of the type of Fig. 7.2. We shall synthesize these
sources? by exploiting the fact that SPICE calculates the noise current of a diode

according to
AF KF x [AF-!
2= KF%’,— +2qIp =2Ip (———x—‘]’,ﬁ—/zﬂ + 1)

where Ip is the diode bias current, g the electron charge, and KF and AF are
parameteré that can be specified by the user. This is a power density with white-noise
floor i&, = 29 Ip and corner frequency f. = KF x ISF"/Zq. If we let AF = 1 for
mathematical convenience, then the required /p and KF for given i&, and f, are

Ip=i3/2q KF=24fe (7.21)

Once we have a source of current noise, we can readily convert it to a source of
voliage noise via a CCVS.

EXAMPLE 76. Verify Example 7.1 using PSpice.

Solution. We need 10 create a source e, With e, = 20 nV/+/Hz and fee = 200 Hz.
First we create a noise current source with i, = 1 pAIJﬁE and f. = 200 Hz, then we
use an H-type source of value 20 nV/pA 10 convert 1o ¢,. As shown in Fig. 7.9, we bias
thediode with Ip = (1 x 107'%)2/(2 x 1.602 x 10~'%) = 3.12 uA, and we impose
KF =2 x 1.602 x 107" x 200 = 6.41 x 10~'7 A, The 1-GF capacitor couples the ac

L]
y 1GF

—

Ip by ¥ bis

FIGURE 7.9
Using diode noise current to create a source of voltage
noise with spectral density e,.

noise current generated by the diode to the current-sensing source v, which then controls
the CCVS to produce e,. The input circuit file follows.

Calculating rms noise:

ID 0 1 dc 3.12uA

D 1 0 Dnoise

.model Unocise D (KP=§.41E-17,AFs])
c121GF

va 20 dc OV

he 3 0 vs 20k

Rx 301 ;avoids floating nodes
.ac dec 10 0.1Hx lMagH3

.noise ¥(3) ve 10

.probe ;en(f)=v{onoise), Enzsqrt(s{v{onoise)*v{onoise)))
~and

Figure 7.10 shows the plots of the spectral density ¢, = v (onoise) and the rms value
E, = sqrtis(v(onoise) *v(onoise)}), where “sqre” and “a” stand for the square root
and integral functions available with the Probe postprocessor. Using the cursor facility
to measure specific values, we find that for 0.1 Hz < f < 100 Hz, E, =0.77 pV; for
20Hz < f <20kHz, E, =3 uV,and for 0.1 Hz < f < | MHgz, E, = 20 uV. This
corroborates the results of the hand calculations of Example 7.1.

L zoeemaes

- (.Vl-a:l(ﬂz_))

100

o
100wz 10Mz

° wl(u(v(min)wlmiull‘)

"

FIGURE 7.10
Using PSpice to generate IC noise and calculate rms noise.
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Noise R R Op Amp Noise
Op amp noise is characterized by three equivalent noise sources: a voltage source ’—\fv“ o J\:P

with spectral density e, and two current sources with densities inp and in,. As shown

in Fig. 7.11, a practical op amp can be regarded as a noiseless op amp equipped with inn C) L
these sources at the input. This model is similar to that used to account for the input W ks =
offset voltage Vs and the input bias currents /p and Iy. This is not surprising A t— L—0 Epe
since these parameters are themselves special forms of noise, namely, dc noise. = H 1b
Note, however, that the magnitudes and directions of e, (1), inp(t), and ins (1) are Ry E,. fap () |
constantly changing due to the random nature of noise and that noise terms must be B R Nonseless
added up in rms rather than algebraic fashion. T I N =
= jk: €n
v, )
& N
. Noiseless
"’"G (a) {bh)

ﬂ-—-L v,
!7

FIGURE 7.11
Op amp noise model.

Noise densities are given in the data sheets and have the typical forms of Fig. 7.2.
For devices with symmetric input circuitry, such as voltage-mode op amps (VFAs),
inp and in, are given as a single density iy, even though iy, and iy, are uncor-
related. To avoid losing track of their identities, we shall use separate symbols
until the end of our calculations, when we shall substitute i, for both iyp and ipy.
For current-feedback amplifiers (CFAs), the inputs are asymmetric due to the pres-
ence of the input buffer. Consequently, iy, and i,, are different and are graphed
separately.

Just as in precision dc applications it is important to know the dc output error
E ¢ caused by Vs, Ip, and Iy, in low-noise applications it is of interest to know
the total rms output noise E,,. Once Ey, is known, we can refer it back to the input
and compare it against the useful signal to determine the signal-te-noise ratio SNR
and, hence, the ultimate resolution of the circuit. We shall illustrate for the familiar
resistive-feedback circuit of Fig. 7.12a, which forms the basis of the inverting and
noninverting amplifiers, the difference and summing amplifiers, and a variety of
others. It is important to keep in mind that the resistances shown in the diagram must
include also the external source resistances, if any. For instance, if we lift node A
ofT ground and drive it with a source vg having internal resistance R;, then we must

FIGURE 7.12
Resistive-feedback op amp circuit and its noise model.

resistor noise can be modeled with either a series voltage source or a paraliel current
source. The reason for choosing the latter will become apparent shortly.

Overall Input Spectral Density

The first task is to find the overall spectral density e,; referred to the input of the
op amp. We can apply the superposition principle as when we calculate the overall
input error E; due to Vog, Ip, and Iy, except that now the individual terms must
be added up in rms fashion. Thus, the noise voltage e, contributes the term e%. The
noise currents inp and i g, are flowing through R3, so their combined contribution is,
by Eq. (7.15), (R3inp)? + (Raig,)? = R3i2, +4kT Ry. The noise currents inn, I8,
and iz, are Aowing through the parallel combination Ry | Rz, so their contribution
is (RIRD2(i3, +i% +i%) = (Ril| R iz, +4KT (R || R2). Combining all terms
gives the overall input spectral density

el = €2 + RAZ, + (R IR)%Z, + kT(Ry + (RIlRY  (7:22)

For op amps with symmetric inputs and uncorrelated noise currenis we have ipp =
iy = in, where iy, is the noise current density given in the data sheets.

To gain better insight into the relative weights of the various terms, consider the
special but familiar case in which Rz = R;//Rz. Under this constraint, Eq. (7.22)
simplifies as

replace R with the sum I_h, + Ry in our calcplali.()ns. ‘ . ‘ "Jzn' _ e?’ + 2R2i,2, + 8kTR 1.23a)
To analyze the circuit we redraw it as in Fig. 7.12b with all pertinent noise 123
sources in place, including the thermal noise sources of the resistors. As we know. R=Ri//[Ry= Ry _ (7.23h)
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FIGURE 7.13
Op-amp inputjpectrul noise ¢, as a function of R of
Eq. (7.23b).

Figure 7.13 shows e, as well as its three individual components as a function of R.
While the voltage term e, is independent of R, the current term V2Ri, increases
with R at the rate of 1 dec/dec, and the thermal term +/8kTR increases at the rate of
0.5 dec/dec.

We observe that for R sutficiently small, voltage noise dominates. In the limit
R — 0 we gel epj — ey, S0 g is aptly cailed the short-circuit noise: this is the
noise produced by the internal components of the op amp, regardless of the external
circuitry. For R sufficiently Jarge, current noise dominates. In the limit R — co we
geten — V2Rin, 500, is apily calied the open-circuit noise. This form of noise stems
from input-bias-current flow through the external resistors. For intermediate values
of Ry, thermal noise may also come into play, depending on the relative magnitudes
of the other two terms. In the example pictured, point A is where thermal noise
overtakes voltage noise, point B where current noise overtakes voltage noise, and
point C where current noise overtakes thermal noise. The relative positions of A,
8, and C vary from one op amp to another, and can be used to compare different
devices.

We note that while it is desirable to install a dummy resistance Ry = Ry || Rz in
order to provide bias-current compensation, in terms of noise it is preferable to have
R3 = 0 since this resistor only contributes additional noise. When the presence of
R3 issmandatory, the corresponding therma) noise can be filtered out by connecting
a suitably large capacitance in parallel with R3. This will also suppress any external
noise that might be accidegtally injected into the noninverting input pin.

Rms Output Noise

Like offsets and drift, en; is amplified by the noise gain of the circuit. This gain is
not necessarily the same as the signal gain, so we shal} denote signal gain as A;(jf)
and noise gain as A, (jf) to avoid confusion. Recall that the dc value of A, (jf) is
Ano = /8 = 1 + Ry/Ry. Moreovey, for a constant-GBP op amp, the closed-loop
bandwidth of A,{jif)is fg = Bfi = fi/(1 + Ry/Ry), where f; is the unity-gain

frequency of the op amp. The output spectral density can thus be expressed as

L+ Ry/R,y (124
no = e - )
VIEXTI
Noise is observed or measuredzover a finite time interval Typ,. The total rms output
noise is found by integrating 2, from f; = 1/ Ty, to fu. = oo. Using Egs. (7.9
A2, ad (722 weget - £ 79

R .
Epo = [1 + R-?] x [e,z,w (j;.,, In ﬁi + .57y - fL)

+R3iZ,., ( JeipIn % +1.57fy — f,,)

ORI RHE,, (f In 3{—:*- 15 fy - fL)

172
+4kT(R3 + Ry || R))().57 f5 — fL)] (7.25)

T}_lis expression indicates the considerations in ow-noise desi gn: (a) select op umps
with low-noise floors e, and iy, as well as low corner frequencies f., and f,;:
f b)' keep thle external resistances sufficiently small 1o make current noise and thermai
noise neghgible compared to votage noise (if possible, make R; = 0); () limit the
noise-gain bandwidth to the strict minitnum required.

_ T'he popular OP-27 op amp has been specifically designed for low-noise ap-
plications. lts characteristics are f, = § MHz, ey = 3 0ViVHL, f,, = 2.7 Hz
inw = 0.4 pA/y/Hz, and f,; = 140 Hz. ' o

EXAMPLE77. A74]opampiscontigured asan inverting amplifier with R, = 100k
Rz = 200 k2, and R; = 68 k2. (a) Assuming e, = 20 nV/vHZ fr = 200 Hy.
inw = 0.5 pA/v/Hz, and f}; = 2 kHz, find the total output noise above 0.1 Hz, both ring
and peak-to-peak. (b) Verify with PSpice.

Solution.

(@) Wehave Ry }| Ry =100 || 200 = 67 kS, As =14+ R/R = JViViand fg=10°/3=
333 kHz. The noise voltage component is Enoe =3 x 20 x 1071200 1n¢333 x
.I[)’/O‘ D+ 157 x 333 x 10° = 0.1]"2 = 43.5 11V The current noise component
1S Enoi = 3[(68 x 107)? + (67 x 10")2)' x 0.5 x 1012 x 2 x 10° In(333 x
10%) + 523 x 10°)2 = 106.5 #V. The thermal noise component is E,,p =
3(1.65 x 1072°(68 + 67) x 10% x 523 x 10°)'/2 = 102.4 a4 V. Finally, "

Evo= /Bl +EL +E,=v435 1 1065 + 10242 = 154 1V {rms)

or6.6 x 154 = 1.02 mv (peak-to-peak),

As shown in Fig. 7.14, we model ¢, with an H-type source, and i,, and j,, with
F. —lype. sources. The corresponding diode noise generators, omitted for simplicity
are as in Fig. 7.9. To ensure statistica) independency, we must use three diﬂ'erenl'
suc_h generators. Moreover, to model a noiseless op amp, we use the LAPLACE
facility of PSpice. The input circuit file foltows.

®
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FIGURE 7.5
Finding the NEB of the circuit of Fig. 7.4.

Piecewise Graphical Integration

Noise densities and noise gains are often available only in graphical form. When this
is the case, Ey, is estimated by graphical integration, as illustrated in the following
example.

EXAMPLE 73. Estimate the total rms output noise above | Hz for noise with the spectral
density of Fig. 7.6 (top) going through an amplifier with the noise-gain characteristic of
Fig. 7.6 (center).

Solution. To find the output density e,, we multiply out the two curves point by
point and obtain the curve of Fig. 7.6 (bottom). Clearly, the use of linearized Bode plots
simplifies graphical multiplications considerably. Next, we integrate e2, from f; = | Hz
to fi = o0. To facilitate our task. we break down the integration interval into three parts,
as follows.

For | Hz < f < | kHz we can apply Eq. (7.9a) with e,,, = 20 nV/i/Hz, Jee =
100 Hz, £, = | Hz, and fy = | kHz. The result is £,,; = 0.822 uV.

For t kHz < f < 10kHz the density e,, increases with f at the rate of + 1 dec/dec,
s0 we can write e,,( f} = (20 nV/v/Hz) x (f/10°) =2 x 107" § V//Hz. Then,

12 AN
1rdf =2x10'“(§f»|m‘) =115V

1o
Ep=2x10"

)

e, (nV/HZ)
200
Wh-——mmmem =™ -
1
]
1
I
i - 1 1 1 1 [ (Hz)
2 10 10? 10 10t 10° 1o* 107
A, (viv) -
0f——=—————m-m— == .
) i 1 f (Ho)
" 10 10? 107
2., (WW/VHzZ) ~
1
]
[}
i
¢ 1
1 1
] : !
] ! i
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2 10 10 10 1ot oS T AN
FIGURE 7.6

Noise spectra of Example 7.3.

For I0kHz < f < 0o we have white noise with e,,, = 200 nV/ JHz going through
a low-pass filter with f = 100 kHz. By Eq. (7.12), Epay = 200 x 107%(1.57 x 10% -
1042 = 76.7 uV.

Finally, we add up all components in rms fashion to obtain E,,=
VEL + ELy+ EL, = VOBZF 1157+ 76 =T1.5uV.

nol

The Pink-Noise Tangent Principle

Looking at the result of the foregoing example, we note that the largest contribution
comes from E,,1, which represents noise above 10 kHz. We wonder if there is a
quick method of predicting this, without having to go through all calcutations. Such
a method exists; it is offered by the pink-noise tangent principle.

The pink-noise curve is the locus of points contributing equal-per-decade (or
equal-per-octave) noise power. Its noise density slope is —0.5 dec/dec. The pink-
noise principle states that if we lower the pink-noise curve until it becomes tangent
to the noise curve ey, (f). then the main contribution to E,, will come from the
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portions of the noise curve in the immediate vicinity of the tangent. In the example
of Fig. 7.6 (bottom), the portions closest 1o the tangent are those leading to E,,;.
We could have set £, = Epp3 = 76.7 1V without bothering to calculate E,,; and
£,,42. The error caused by this approximation is insignificant, especially in light of
the spread in noise data due 1o production variations. As we proceed, we shall make
frequent use of this principle.

7.3
SOURCES OF NOISE

For an effective selection and wtilization of integrated circuits, the system designer
neefls 1o be familiar with the basic noise-generating mechanisms in semiconductor
devices. A brief discussion of these mechanisms follows.

Thermal Noise

Thermal noise, also called Johnson noise, is present in all passive resistive elements,
including the stray series resistances of practical inductors and capacitors. Thermal
noise is due to the random therma! motion of electrons (or holes, in the case of
p-lype semiconductor resistors). It is unaffected by dc current, 5o a resistor generates
thermal noise even when sitting in a drawer.

{\s shown in Fig. 7.7a, thermal noise is modeled by a noise voltage of spectral
density eg in series with an otherwise noiseless resistor. Its power density is

ek = 4kTR (7.15a)

yvherek = 1.38x 10723 J/K is Boltzmann's constant, and 7 is absolute temperature,
inkelvins, At25°C, 4k 7 = 1.65 x 10~2° W/Hz An easy figure to remember is that
at 25°C, eg = 4+/R aV/VHz, R in kiloohms. For instance, €10 o = 1.26 nV/vHz
and ek = 12.6 IIV/'\/IT[E ‘

' Converting from Thévenin to Norton, we can model thermal noise also with a
noise current { g in parallel with an otherwise noiseless resistor, as shown in Fig. 7.7b.
We have i% = e}/R2, or

) ik =akT/R (.15b)

Thn.: preceding equations indicate that thermal noise is of the white type. Purely re-
active elements are free fronf'thermal noise.

ep 5
K .
(noiseless) ( r
R
(noiseless)

(a) 13}

FIGURE 7.1
Thermal noise models.

EXAMPLE 7.4 Consider a 10-k$ resistor at room temperature. Find (a) its voltage
and (b) current spectral densities, and (c) its sms noise voltage over the audio range.

Solution.

@) ex = VAKTR = /1.65 x 10-9 x 107 = 12.8 nV//Hz
) ig =eg/R=1.28pA//Hz
() Eg=ep/ i — Jo = 128 x 107% x V20 x 10° —20 = 1 .81 uV

Shot Noise

This type of noise arises whenever charges cross a potential barrier, such as in diodes
or transistors. Barrier crossing is a purely random event and the dc current we observe
microscopically is actuatly the sum of many randomi elementary current pulses. Shot
noise has a uniform power density,

il =241 (7.16)

where g = 1.602 x 1079 C is the electron charge, and / is the de current through
the barries. Shot noise is present in BIT base currents as weil as in current-output
D-A converters.

EXAMPLE 1S, Find the signai-1o-noise ratio for diode current over a {-MHz bandwidth
if(a) Ip =1 pAand (b) fp = [ nA.

Solution.

@) lh=vITIpfa =2 x 162 x 10~ x 13- x 10% = (.57 nA (rms). Thus, SNR =
204og ol (} #A)/(0.57 nA}] = 64.9 dB.

{b) By similar procedure, SNR = 34.9 dB. We observe that the SNR deteriorates as the
operating current is lowered.

Flicker Noise .
Flicker noise, also called 1/ f noise, or contact noise, is present in all active as well as
in some passive devices and has various origins, depending on device type. In active
devices it is due to traps, which, when current flows, capture and release charge
carriers randomly, thus causing random fluctuations in the current itself. In BJTs
these traps are associated with contamination and crystal defects at the base-emitter
junction. In MOSFETs they are associated with extra electron energy states at the
boundary between silicon and silicon dioxide. Among active devices, MOSFETs
suffer the most, and this can be a source of concern in low-noise MOS applications.
Flicker noise is always associated with a dc current, and its power density is of
the type

a
iZ=K— 747
n 7 a.m
where K is a device consiant, 1 is the dc current, and a is another device constant in
the range % to2.
Flicker noise is also found in some passive devices, such as carbon composition
resistors, in which case it is called excess noise because it appears in addition to the
thermal noise already there. However, while thermal noise is also present without a
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FN_Q.— ™~ Noisy op amp

L 4
FIGURE 7.14

PSpice circuit to find the rms output noise E,,.

Finding the total rms output noise Eno:

*Input noise sources:

IDe 0 11 dc 3.12uA

De 11 0 De

.model De D (KF=6.41E-17}AF=1)

Ce 11 12 1gPr

vse 12 0 dc OV

he 5 4 vee 20k renw « 20 nV/sQrt(Hz), fce = 200 Hx
ix 50 dc 0 ravoids floating nodes

IDp 0 21 dc 3.12uA

pp 21 0 Dp

.model Dp D (KF=6.41E-16,AF=1)

Cp 21 22 1GP

vep 32 0 dc OV

fp 4 0 vep 0.5 sjinpw = 0.5 pA/sqgrt(Hz), fcip = 2 kHz
1bn 0 31 de 3.12uA

Dn 31 ¢ Pn

.model Dn D (KF=6.41E-16,AF=1)

Ccn 31 32 1gr

ven 32 0 dc OV

fn 2 0 ven 0.5 sinnw = 0.5 pA/eqgrt(Hz), fcin = 2 kHz
*Noiseless op amp with a0 = 200 v/mV and fb = 5 Hx:
eOh 3 0 Laplace {V(5,2)1=|285/(1+8/31.42)})

*Main circuit:

vi 10 ac v

R1 1 2 100k

R2 2 3 200k

R3 4 0 68k

.ac dec 10 0.1Hz 100MegHz

.noise v{3) vi 10

.probe ;eno = v{onoise), En = sqrt(s(v{onoise)*vionoise)))
.and

The results of Fig. 7.15 agree with our calculations. We also note that we could
have used the pink-noise tangent principle to estimate En, =(0.21 aV)x

Vv 1.57 x 333 kHz = 152 1V (rms).

ono (V/sart(Hz))

‘0.2t pif sartikn

A
H
i
i
1. Op 4 5
H
H
H
!
= ':
v H
i
I R LLLACECIE LT L P PRI R IE PP S SRR EEELE R, ’
o vionoise) »
lm.r -------------------------------------------------------------- 1
H
154 W (ram) )
1004

Eno (Vras}

100mH2 100Hz
o sqrt(s{vionoise)sv(onoise) )')

FIGURE 7.18
Finding the total rms output noise.

In terms of noise, the circuit of Example 7.7 is poorly designed because Epq;
and E,, g far exceed Epoe. This can be improved by scaling down all resistances.
A good rule of thumb is to impose Er%m‘ + E,Z:'.,R < 5308/32, since this raises E,;

only by about 5%, or less, above Eyge.

EXAMPLE 78. Scale (he resistances of the circuit of Example 7.7 so that E,, = 50 uV.

Solution. We want E2, + E2 . = E} — El =50 — 43.57 = (24.6 uV). Letting
R = Ry+ R, || Ry, we have £2, = 3 x R¥0.5 x 10~'2)? x [2 x 10° In(333 x 10%) +
523 x 10%) = 1.24 x 107" R%, and EZp, = 3 x 1.65 x 10720 x R x 523 x 10} =
777 x 107MR. We want 1.24 x 107" R? + 177 x 10"R = (24.6 V)2, which
gives R = 7 k€2 Thus, Ry = R/2 = 3.5k, and 1/R, + 1/ Rz = 1/(3.5 k). Since

Ry = 2R, this yields R; = 5.25kQ and R; = 10.5kQ.

Signal-to-Noise Ratio

Dividing Ej,, by the dc signal gain | A;o| yields the total rms input noise,
_ Eno
B {Asol
We again stress that the signal gain A; may be different from the noise gain A,

Eqi (7.26)
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the inverting amplifier being a familiar example. Knowing E,,; allows us to find the
input signal-10-noise ratio,

V; .
SNR = 20log,,, ‘b{L"*’ (7.27)
ni

where Vi(msy is the rms value of the input voltage. The SNR establishes the uitimate
resolution of the circuit. For an amplifier of the transimpedance type, the total rms
input noise is I,; = Eno/|Rul, where | Ryl is the de transimpedance signal gain.
Then, SNR = 20 log,o({items)/ Ini)-

EXAMPLE 79. Find the SNR of the circuit of Example 7.7 if the input is an ac signal
with a peak amplitude of 0.5 V.

Solution. Since A,y = 5 VIV, we have E,; = 154/2 = 77 uV. Moreover, Vi, =
0.5/v2 = 0.354 V. So, SNR = 201og,,[0.354/(77 x 107%)] = 73.2 dB.

Noise in CFAs

The above equations apply also to CFAs.® As mentioned, the presence of the input
buffer makes the inputs asymmetric, 80 inp and in, are different, Moreover, since
CFAs are wideband amplifiers, they generally tend to be noisier than conventional
op amps.?

EXAMPLE 7.10. The data sheets of the CLC401 CFA (Comlinear) give zo =710 k2,
fp=350kHz, r, =50 Q, ey, 2.4 0VIVHz, f,, Z50kHZ, inp, =38 pAlVHE, £ 2
100 kHz, iyne =20 pAIfl-IE, and f.;, = 100 kHz. Find the total rms oulput noise above
0.1 Hz if the CFA is configured as a noninverting amplifier with B, = 166.7 2 and
Ry = 1.5k, and is driven by a source with an internal resistance of 100 Q.

Solution. Since f, = 20 fs/R2 = 166 MHz, we have fp = £ /[1 + r,/(RI I R =
124 MHz. Applying Eq. (7.25) gives E,, = 10[(33.5 uV)2 + (3.6 uV)2 + (35.6 uV)* +
(284 uV)?)'/2 = 566 £V (rms), or 6.6 x 566 =3.7 mV (peak-to-peak).

Noise Filtering

Since broadband noise increases with the square root of the noise-gain bandwidth,
noise can be reduced through narrowbanding. The most common technique is 1o
pass the signal through a simple R-C network with R small enough to avoid adding
appreciably to the existing noise. This filter is susceptible to output loading, so we
may want 10 buffer it with a voltage follower. However, this would add the noise of
the follower, whose equivalent bandwidth NEB = (1/2) f; is quile wide.

The topology ! of Fig. 7.16 places the op amp upstream of the R-C network 50
that the noise of the op amp itself is filtered. Moreover, R is placed within the feed-
back loop to reduce its effective value by 1 + T and thus reduce output loading
significantly. Even though T decreases with frequency, the presence of C helps
maintain a low output impedance well into the upper frequency range. The purpose of
mR and nC is to provide frequency compensation, an issue addressed in Section 8.2.
Suffice it to say here that the circuit exhibits a good tolerance to capacitive toads.

mR

nC

C

1

FIGURE 7.16 .
Low-pass noise filter. Input may be either a current

or a voltage.

The circuit lends itself to filtering both voltages and currents. 1t can be shown
(see Problem 7.26) that

V, = HypmRl; + (H p + Hep}Vi (7.28)
! o=" m/n (1.29)

fo = 34 JmnRC m+1

where Hyp and Hpp are the standard second-order Iow—p?xss and band-pass func-
tions defined in Section 3.3. This filter finds application in voltage-reference and

photodiode-amplifier noise reduction.

15
NOISE IN PHOTODIODE AMPLIFIERS

An area in which noise is of concern is fow-level signal detectiqn. such as instru-
mentation applications and high-sensitivity I- Vconversim}. In Iplamcular, phOI‘OdIOd.C
amplifiers have been at the center of considerable attention,'! so we examine this
class of amplifiers in some detail. ) ) _

The photodiode of Fig. 7.17a responds to incident light vfm?l a current ig that
the op amp subsequently converts 1o a voltage vo. For a rcalls_nc anal¥S|s we use
the mode! of Fig. 7.17b, where R} and C, represent the v:omblngd resistance and
capacitance toward ground of the diode and the inverting-input pin of l:he op amp,
and C represents the stray capacitance of R,. With careful printed-circuit board
layout, C; can be kept in the range of 1 pF or less. Usually C) >» C2 and R|_ > R?.

We are interested in the signal gain A; = V,/ly as well a< the noise gain
An = eng/eni. To this end, we need to find the feedback fa.clor{B =L /(Zy+ Z2),
Zy = R (1/j2rfC)), Za = Ra 1 (1/j2m f C2). Expanding gives

L (. + ﬁ) Vil (7.30a)
B R/ V+ififp
1 . 1
= 7.30b
ip 2n Ry C2 ( )

o= SR 1 RD(C1 + C)
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(a) h

FIGURE 7.17
Photodiode amplifier and its noise model.

The 1/8 function has the low-frequency asymptote 1/8y = | + Ra/R;. the high-
frequency asymptote 1/Boc = | + C;/C, and two breakpoints at fzand fp. As
shown in Fig. 7.18a, the crossover fréquency is fy = oo f;, 50 the noise gain is

An = (1/B)/ O+ jf/fx), oF

Rz) L+ if/f,
A, =11 _— .
( YR EY TAET A (.30

Wc? a!so observe that for a — 0o we have A;(igeay = R2/(1 +jf/fp) so the signal
gain is

Ay = Ry
FT A ifIf)

and is shown in Fig. 7.18b. With C; 3> C3, the noise-gain curve exhibits signifi-
cant peaking, a notorious feature of photodiode amplifiers. This can be reduced by

(7.32)

ViV (dec) VIA (dec)

R, A,

(a) (h}

FIGURE 7.18
Noise gain A, and signal gain A, for the photodiode amplifier.

€p (nV/VHZ)
10 406 409
N”
102 '

not

:

!

10 N 5.66 :
. i

H

] 1
] L}
1 n

| 1 1 1 1 (H r)
10 10?5 10° 1wt 5wy 100 S
FIGURE 7.1%
Output spectral densities of the photodiode amplifier of Exam- *
ple 7.11.

adding a capacitance in parallel with R;; however, this also reduces the signal-gain
bandwidth fp.

EXAMPLE 7.11. In the circuit'' of Fig. 7.17 let the op amp be the OPA627 JFET-input
op amp (Burr-Brown), for which f, = 16 MHz, ¢,,, = 4.5 nV/V/Hz, Jee = 100 Hz,
and /g = 1 pA. Estimate the total cutput noise E,, above 0.01 Hz if R} = 100 G,
Ci =45pF, R; = 10MQ, and C; = 0.5 pF.

Solution. With the above data we have 1 /8y = 1 VIV, 1/8,, =91 V/V, f, =350 Hz,
fp=31.8 kHz, and f, =176 kHz. Moreover, by Eqs. (7.15b) and (7.16), ip, =
40.6 fA/V/Hz and i, =0.566 fA//Hz. We observe that the noise gain for e, is A,
whereas the noise gains for i, and i g, coincide with the signal gain A,. The output densi-
ties, obtained as e,,, = | Apl€p. €noi = |A,lin, and eqop = 1A )i, are plotted in Fig. 7.19.

The pink-noise tangent principle reveals that the dominant components are the
voltage noise e, in the vicinity of f,, and the thermal noise e,z in the vicinity
of f,. Current noise is negligible because we are using a JFET-input op amp. Thus,
Enoe Z(1/Boen /I f — [ = 91 x 45 x H07°/(1.57 x 176 — 31.8)10° =
202 uV (rms), and Enop = Raig, x /(7/2) f, =91 uV. Finally, E,, = V2022 ¥91 =
222 uV (rms). A PSpice simulation (see Problem 7.30) gives E,, = 230 pV (mms),
indicating that our hand-calculation approximations are quite reasonable.

Noise Filtering

The modified photodiode amplifier of Fig. 7.20 incorporates the current-filtering
option of Fig. 7.16 to reduce noise. In choosing the filter cutoff frequency fp we must
be careful that the signal-gain bandwidth is not reduced unnecessarily. Moreover,
the optimum value of Q is the result of a compromise between noise and response
characteristics such as peaking and ringing. A reasonable approach is to start with
Ce = Cyand R3C3 = RC,sothatm = 1/n and Q = | for m > 1. Then we fine-
tune C,. and R for a best compromise between noise and response characteristics.
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FIGURE 7.20-~
Photodiode amplifier with noise filtering.

EXAMPLE 7.12. Assuming the parameters of Example 7.11, find suitable values for
C.. R, and Cj in the circuit of Fig. 7.20.

Solution. Let C, = C3=0.5 pF. Pick C; = 10 nF as a convenient value. Then, R; =
RC./C3=500Q.

PSpice simulations for different values of Ry give a good compromise for Ry =
1 kS2, which results in a signal-gain bandwidth of about 24 kHz and E,, = 80 uV (rms).
Thus, filtering has reduced noise to about one third of the original value of 230 pV (rms).
When the circuit is tried out in the lab, empirical tuning is necessary because of parasitics
not accounted for by our PSpice model.

T-Feedback Photodiode Amplifiers

As we know, the use of a T-network makes it possible to achieve extremely high
sensitivities using moderately high resistances. To assess its impact on dc as well as
noise, we use the model of Fig. 7.21. The T-network is usually implemented with

G
ig
&

R, R,

FEGURE 7.21
T-network photodiode amplifier.

Ry Il R4 & Ry, 50 Ry is raised to the equivalent value Req = (1 + R4/R3)R2, and
,"2i =i 12?: =4kT/ Ry. One can show (see Problem 7.33) that the noise and signal gains
are now

[ R ( Re L+ if/f,
Z{l1+=]l14+—— .
An ( * R.) + Ra)(l P AT TR M

(I + Ry/R3)R,
A+ 71T+ if /0
_ 1 1
S G RRIC ¥ G 1P T T+ Re/RIRC

indicating that the dc values of both gains are raised by a factor of | + R4/R;.
In particular, we observe that Enor =(1 + R4/R3) X Raip/afp/2 = () +
R4/ R3)T/C) 172 indicating that thermal noise increases with the square root of the
factor 1 + R4/ R3. Consequently, we must suitably limit this factor in order to avoid
raising noise unnecessarily, As it turns out, the T-network option is worthwhile!!
when high-sensitivity amplifiers are used in connection with large-area photodiodes.
The large capacitances of these devices cause enough noise-gain peaking to allow
for thermal noise increase without jeopardizing the overall noise performance.

R

As (1.33b)

(7.34)

EXAMPLE 7.13. Inthe circuit'! of Fig. 7.21 let the op amp be the OPA627 of Example
7.11, and let the dicde be a large-area photodiode such that C; = 2 nF, everything else
remaining the same. (a) Specify a T-network for a dc sensitivity of 1 V/nA. (b) Find the
total rms output noise and the signal bandwidth.

Solution.

(a) Wenowhave 1/86 =14+ Ry /Ra, 1/Bo = 14+C,/C2 = 4000V/Vand f; = B f; =
4 kHz. To avoid increasing voltage noise unnecessarily, impose 1/fg < 1/Bx, or
1+ R4/ R3 <4000, Then, E,pe = (Y/Bso)en /1 /2 = 1.43 mV. To avoid increas-
ing thermal noise unnecessarily, in]pose Enor < Enoe/3,0r [{1 4 Ry/R)KT [ Cy]'/?
< Eppe/3. This yields 1 + Ry/R3 < 27 ( < 4000). Then R; = 10°/27 = 37 MQL.
Pick R; = 36.5 MQ, R; = 1.00kS2, Ry = 26.7 k2.

(b) The signal bandwidth is fp = f, = 1/(27 x 10° x 0.5 x 10~'?) = 318 Hz.
Moreover, E,,p 0.5 mV, Eyy = 10° x 0.566 x 1071°/1.57 x 318 = 12.6 uV,
and E,, = Va0 = 151 mV (rms).

7.6
LOW-NOISE OP AMPS

As discussed in Section 7.4, the figures of merit in op amp noise performance are
the white-noise floors ey, and iny, and the comner frequencies f.. and f;. The
lower their values, the quieter the op amp. In wideband applications, usually only
the white-noise fioors are of concern; however, in instrumentation applications also
the corner frequencies may be crucial.

Figure 7.22q and b shows the noise characteristics of the industry-standard
OP-27 low-noise precision op amp (Analog Devices), whose typical ratings are
enw =3 nV//Hz (the same spectral density as a 545-Q resistor), fe =2.7 Hz,
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FIGURE 7.22
(@) Noise-voltage and (b) noise-current characteristics of the OP-27/37 op amp. (c) Noise-
voltage comparison of three popular op amps. (Courtesy of Analog Devices.)

enw =0.4 pA/«/m, and f.; = 140 Hz. Another low-noise op amp is the LT1028
(Linear Technology), with e,, = 0.9 nV/+/Hz.

Figure 7.22¢ compares the noise-voltage characteristic of the OP-27 low-noise
op amp, the NE5533/5534 low-noise audio op amp (Signetics), and the uA741
general-purpose op amp.

Except for programmable op amps, the user has no control over the noise charac-
teristics; however, a basic understanding of how these characteristics originate will
help in the device selection process. As with the input offset voltage and bias current,
both voltage and current noise depend very heavily on the technology and operating
conditions of the differential transistor pair of the input stage. Voltage noise is also
affected by the load of the input pair and by the second stage. The noise produced
by the subsequent stages is usually insignificant since, when referred to the input, it
is divided by the gains of all preceding stages.

Differential Input-Pair Noise

The noise contributed by the differential input pair can be minimized by proper
choice of transistor type, geometry, and operating current. Consider BJT-input op
amps first. Recall from Eq. (7.18a) that BIT voltage noise depends on the base-
spreading resistance ry, and transconductance g,. In the OP-27 the differential-pair
BJTs are realized in the striped geometry (long and narrow emitters surrounded by
base contacts on both sides) to minimize rp, and are biased at substantially higher
than normal collector currents (120 A per side) 1o increase gm.'? The increase in
operating current, however, has an adverse effect on the input bias current /g and
the input noise current ip. In the OP-27, shown in Fig. 5.15, Ig is reduced by the
current-cancellation technique. Noise densities, however, do not cancel but add up
in rms fashion, so in current-cancellation schemes i, is higher thaa the shot-noise
value predicted by Eq. (7.18h).

When the application requires large external resistances, FET-input op amps
offer a belter allernative since their noise current levels are orders of magnitude
lower than those of BJT-input devices, at least near room temperature. FETs, on the
other hand, tend to exhibit higher voltage noise, mainly because they have lower

gms than BJTs. As an example of a JFET-input op amp, the OPA627 (Busr-Brown)
has eqw = 4.5 nV//Hzand ip = 1.6 fA/\flpE at 100 Hz.

In the case of MOSFETs, 1/f noise is also a critical factor. By Eq. (7.20a), the
1/f component can be reduced by using large-area devices. Moreover, the empirical
abservation that p-channel devices tend to display less 1/ £ noise than n-channel types
indicates that, in general, the best noise performance in CMOS op amps is achieved
by using p-channel input transistors with n-channel active loads.” As an example
of a MOSFET-input op amp, the TL.C279 (Texas Instruments) has e,,,, = 25 nV/v/Hz.

Input-Pair Load Noise .

Another critical source of noise is the load of the differential input pair. In general-
purpose op amps such as the 741, this load is implemented with a cufrent-mirror
active load to maximize gain. Active loads, however, are notoriously noisy since they
amplify their own noise current. Once divided by the first-stage transconductance
and converted to an equivatent input noise voltage, this component can degrade the
noise characteristics significantly. In fact, in the 741, noise from the active load
exceeds noise from the differential input pair itself.”

The OP-27 avoids this problem by using a resistively loaded input stage,!? as
shown in Fig. 5.15. In CMOS op amps, the noise contribution from the active load,
when reflected back to the input, is multiplied by the ratio of the g, of the load to the
gm of the differential pair.” Thus, using a load with low gm reduces this component
significantly.

Second-Stage Noise

The last potentially critical contributor to e, is the second stage, particularly when
this isimplemented with pnp transistors to provide level shifting as well as additional
gain (see Q73 and (J94 in Fig. 5.15). Being surface devices, pnp transistors suffer
from large 1/f noise and poor 8. Once this noise is refiected back to the input, it can
increase f,. significantly. The OP-27 avoids this drawback by using emitter followers
Q21 and Q3; (see again Fig. 5.15) to isolate the first stage from the pnp pair.!2

Ultralow-Noise Op Amps -

High-precision instrumentation often requires ultrahigh open-loop gains 1o achieve
the desired degree of linearity, together with ultralow noise to ensure an adequate
SNR. In these situations, considerations of cost and availability may justify the
development of specialized circuits to meet the requirements.

Figure 7.23 shows an example of specialized op amp design whose dc speci-
fications are compatible with high-precision transducer requirements and ac speci-
fications are suitable for professional audio work.!? The circuit uses the low-noise
OP-27 op amp with a differential front end to simultaneously increase the open-loop
gain and reduce voltage noise. The front end consists of three parallel-connected
MAT-02 low-noise dual BJTs operating at moderately high collector currents
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Ultralow-noise op amp. (Courtesy of Analog Devices.)

(1 mA per transistor). The parallel arrangement reduces the base spreading resis-
tance of the composite device by +/3, while the high collector current increases
gm. This yields an equivalent input noise voltage with e, =0.5 nV/+/Hz and
ce = 1.5 Hz,

$ Transistor Q4, in conjunction with R|3 and the LED, forms a temperature-stable
6-mA current sink that R, through R3 then split evenly among the three differential
pairs. Rg and C) provide frequency compensation for closed-loop gains greater than
10, ang Ry nulls the input offset voltage.

The additional gain provided by the front end increases the overall dc gain to
ag = 3 x 107 V/V. Other measured parameters ase iny, = 1.5 pA/y/Hz, TC(Vgs) =
0.1 uV/°C (max), GBP = 50 MHz with Ag = 10° V/V, and CMRRgp = 130 dB.
Similar front-end designs can be used to improve the noise characteristics of other
critical circuits, such as instrumentation amplifiers and audio preamps.

PROBLEMS

7.1 Nolse propertics

7.1 Two IC noise spot measurements, performed respectively at fi = 10Hz and f; 3 feer
yield e,(",) = 20 nV//Hz and e,( f2) = 6 nV/vHz. Find the rms noise from 1 mHz
to 1 MHz.

7.2 Noise dynamics

7.2 Find the NEB of a composite amplifier consisting of two identical stages cascaded as
in Fig. 6.6, each stage having a gain of the type A(jf) = Ao/ (1 + jf/fa).

7.3 Show that the standard second-order low-pass and band-pass functions Hyp and Hgp
defined in Section 3.4 have NEBp = O?NEBgy = Qnj,/2. Can you justify the
similarity intuitively?

7.4 (a)Find the NEB of a filter consisting of an R-C network, followed by a buffer, followed
by another R-C network. (b} Repeat, but for a filter consisting of a C-R network, followed
by a buffer, followed by an R-C network. () Repeat, but for a filter consisting of an R-C
network, followed by a buffer, followed by a C-R network. {(d) Rank the three filters in
terms of noise minimization.

1.5 Confirm the results of Example 7.2 using piecewise graphical integration.
7.6 Estimate the NEB of the RIAA response of Fig. 3.13. Confirm with PSpice.

7.7 Findthe NEB if A, (s) has two zeros at s = — 207 rad/s and s = —2 10° rad/s, and four
poles at s = —200x rad/s, s = —400m rad/s, s = — 2 10* rad/s, and s = — 27 10* radss.

7.8 Find the total output noise when a noise source with f,, =100 Hz and ey, =
10nV/vHz is played through a noiseless wideband band-pass filter with a mid-
frequency gain of 40 dB, f; =10 Hz and f4 = i kHz. Confirm using the pink-noise
tangent principle.

79 The spectral noise e,, of a certain amplifier below 100 Hz consists of 1/ f noise with
fee = | Hz and e,, = 10 aV/vHz; from 100 Hz 10 ) kHz it rolls off at the rate of
—1 dectdec; from 1 kHz to 10 kHz it is again constant at | nV/+/Hz, and past 10 kHz
it rolls off at the rate of —1 dec/dec. Sketch and label e,,, estimate the total rms noise
above 0.01 Hz, and confirm using the pink-noise tangent principle.

i
7.10 The LT1009 2.5-V reference diode (Linear Technology), when suitably biased, acts as
a2.5-V source with superimposed noise of the type 2 = (118 nVIJﬁiy)z(30/ f+D.If
the diode voltage is sent through an R-C filter with R = 10 k2 and C = | uF, estimate
the peak-10-peak noise that one would observe at the output over a 1-minute interval.

7.3 Sources of nokse

7.11 Find a resistance that will produce the same amount of room-temperature noise as a
diode operating with (a) a forward-bias current of 50 wA, and (b) a reverse-bias current
of 1 pA.

7.12 (a) Show that the total rms noise voltage across the parallel combination of a resistance
R and capacitance C is E, = /kT7C, regardless of R. (b) Find an expression for the
total rms value of the noise current flowing through a resistance R in series with an
inductance L.

113 (a) Find a resistance that produces the same ¢,,,, 2s a 741 op amp at room temperature,
(b) Find a reverse-biased diode current that produces the same i, as a 741 op amp,
How does this current compare with the input bias current of the 7417
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7.4 Op amp nolse

7.14

7.15

7.16

717

7.18

7.19

7.20

7.21

7.22

7.23

In the difference amplifier of Fig. 1.17 let R} = Ry = 10kf2 and R; = Ry = 100kQ.
Find the total output noise E,, above 0.1 Hz if the op amp is (a) the 74} type, and
(b) the OP-27 type. Compare also the individual components E,,,, E,. and E,, g, and
comment. For the 741 assume f, = | MHz, ¢,, = 20 nV/+/Hz, f.. = 200 Hz, in, =
0.5 pAIJ-H_, and f, = 2 kHz; for the OP-27 assume f, = 8 MHz, &5 = 3 nvivHz,
fee =27 Hz, iny = 0.4 pA/VHz, and f,; = 140 Hz.

Using a 741 op amp, design a circuit that accepts three inputs v, vy, and v3, and yields
vo = 2(v| — vz — v3); hence, estimate its total output noise above | Hz.

In the bridge amplifier of Fig. P1.74 let R = 100 kS and A = 2 V/V, and let the op
amps be 741 types. Estimate the total output noise above 1 Hz.

(a) Find the total rms output noise above 0.1 Hz for the -V converter of Fig. 2.2 if
R =10kS2. R, =2k, Rz = 18 kS, and the op amp is the OP-27, whose characteristics
are given in Problem 7.14. (b) Find the SNR if i, is a triangular wave with peak values
of £10 pA.

!
(a) Find the total output noise above 0.1 Hz for the inverting amplifier of Fig. P1.54
if ali resistances are 10 k2 and the op amp is the 741 type. (b) Find the SNR if
vy = 0.5cos 1007 + 0.25cos 300t V.

A JFET-input op amp with e,, = 18 nV/vHz, f., =200Hz,and f; =3 MHz is config-
ured as an inverting integrator with R = 159 k2 and € = | nF. Estimate the total output
noise above 1 Hz.

1t is required to design an amplifier with Ag = 60 dB using op amps with GBP =
| MHz. Two alternatives are being evaluated, namely, a single-op-amp realization and
a two-op-amp cascade realization of the type of Example 6.2. Assuming the resistances
are sufficiently low to render current and resistor noise negligible, which of the two
configurations is noisier and by how much?

Using the OP-227 dual op amp, design a duat-op-amp instrumentation amplifier with a
gain of 10 V/V, and find its total output noise above 0.1 Hz. Try keeping noise as low
as practical. The OP-227 consists of two OP-27 op amps in the same package, so use
the data of Problem 7.14.

With reference to the triple-op-amp instrumentation amplifier of Fig. 2.20, consider
the first stage, whose outputs are vg) and vg;. (@) Show that if OA, and OA; are
dual op amps with densities e, and i,, the overall input power density of this stage is
e,z,,. = Ze: + [(Rg | 2R4)i, 12 /2 + 4k T(Rq || 2R3). (b) Estimate the total rms noise pro-
duced by this stage above 0.1 Hz if Rg = 100 Q, Ry = 50 kR, and the op amps are
from the OP-227 dual-op-amp package, whose characteristics are the same as those of
the OP-27 given in Problem 7.14.

(a) In the triple-op-amp instrumentation amplifier of Fig. 2.21 let the pot be adjusted
for a gain of 10* V/V. Using the results of Problem 7.22, estimate the total output
noise abave 0.1 Hz. (b) Find the SNR for a sinusoidal input having a peak amplitude of
10 mV.

7.4

7.25

1.26

7.27

7.28

7.29

Use PSpice to verify the CFA noise calculations of Example 7.10.

The circuit of Fig. 7.12a has Ry =R3;=10 Q and R; =10 k2, and its outpot is
observed through a band-pass filter having NEB = 100 Hz. The reading is 0.120 mV
(rms), and it can be regarded as being primarily voltage noise since the resistances are
so small. Next, a 500-kSQ resistor is inserted in series with each input pin of the op amp
to generate substantial current noise. The output reading is now 2.25 mV rms. Find e,
and i,.

(a) Derive the transfer function of the noise filter of Fig. 7.16. (&) Modify the circuit so
that it works as an inverting voltage amplificr with H = —t0Hyp.

- .
Using two 0.1-pF capacitances, specify resistances in the noise fifter of Fig. 7.16 for
Jo =100 Hz and Q = 1/2. If the op amp is the 741 type, find the total rms noise
generated by the filter above 0.01 Hz with V; and J; both set to zero.

Using the voltage-input option of the noise filter of Fig. 7.16, design a circuit to filter
the voltage of the LT1009 reference diode of Problem 7.10 for a total output noise
above 0.01 Hz of | .V (rms) or less. Assume an OP-27 op amp whose characteristics
are given in Problem 7.14.

(a) Find a capacitance C that when connected in parallel with R; in the inverting
amplifier of Example 7.7 will lower the signal-gain bandwidth to 1 kHz. How does it
affect noise? (b) Repeat but also with a 0.1-uF capacitance in parallel with R;.

7.5 Noise in photodiode amplifiers

1.30

7.31

.32

7.33

1.34

7.35

1.36

Use PSpice 10 plot e,0¢, €noi» €nor, and €4, for the circuit of Example 7.11. Hence, use
the “s” and “sqrt” Probe functions to find E,,. '

Investigate the effect of connecting an additional capacitance C, = 2 pF in parallel
with R; in the photodiode amplifier of Example 7.11. How does it affect noise? The
signal-gain bandwidth?

Use PSpice to confirm Example 7.12.
Derive Eqs. (7.33) and (7.34).

Rework Example 7.11, but with R» replaced by=s T-network with R; = 1 MQ, Ry =
2k, and Ry = 18 k2, everything else staying the same. Comment on your findings.

Verify Example 7.13 via PSpice.

Modify the circuit of Example 7.13 to filter noise without significantly reducing the
signal bandwidth. What is the total output noise of your circuit?

7.6 Low-noise op amps

1.37

A popular noise reduction technique is to combine N identical voltage sources in the
manner of Fig. P7.37. (a) Show that if the noise of the resistors is negligible, the output
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346 density e,, is related to the individual source densities e, as ¢,, = e,/ N. (b) Find
the maximum value of the resistances in terms of e, so that the rms noise contributed

CHAPTER 7 A 4 A 4
by the resistances is less than 10% of the rms noise due to the sources.
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8.3 Internal Frequency Compensation
8.4 External Frequency Compensation
8.5 Stability in CFA Circuits
8.6 Composite Amplifiers
Problems
References

Since its conception by Harold S. Black in 1927, negative feedback has become a
cornerstone of electronics and control, a$ well as other areas of applied science, such
as biological systems modeling. As seen in the previous chapters, negative feedback
restflts in a number of performance improvements, including gain stabilization
against process and environmental variations, reduction of distortion stemming from
component nonlinearities, broadbanding, and impedance transformation. These ad-
vantages are especially stanling if feedback is applied around very high-gain ampli-
fiers such as op amps.

Negative feedback comes at a price, however: the possibih‘ly of an oscillatory
state. In general, oscillation will result when the system is capable of sustaining a
signal around the loop regardless of any applied input. For this to occur, the system
must provide enough phase shift around the loop to turn feedback from negative to
Positive, and enough loop gain to sustain an output oscillation without any applied
input,

This chapter provides a systematic investigation of the conditions leading to
lnslabllny as well as suitable cures, known as frequency-compensation techniques,
1o stabilize a circuit so that the benefits of negative feedback can be fully
realized. -
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CHAPTER 8
Stability

8.1
THE STABILITY PROBLEM

The advantages of negative feedback are realized only if the circuit has been stabi-
lized against the possibility of oscillations. For an intuitive discussion,! refer again
to the feedback system of Fig. 1.21. As we know, whenever the amplifier detects
an input error x4, it tries to reduce it. It takes some time, however, for the ampli-
fier to react and then transmit its response back to the input via the feedback net-
work. The consequence of this combined delay is a tendency on the part of the
amplifier to overcorrect the input error, especially if the loop gain is high. If the
overcorrection exceeds the original error, a regenerative effect results, whereby
the magnitude of x4 diverges, instead of converging, and instability resuits. Sig-
nal amplitudes grow exponentially until inherent circuit nonlinearities limit further
growth, forcing the system either to saturate or to oscillate, depending on the order
of its system function. By contrast, a circuit that succeeds in making x4 converge is
stable.

Gain Margin !

Whether a system is stable or unstable is determined by the manner in which its
loop gain T varies with frequency. To substantiate, suppose a frequency exists at
which the phase angle of T is — t80°; call this frequency f_go-. Then, T(jf-180-)
is real and negative, indicating that feedback has turned from negative to positive. If
IT(jf— 180} < I, then Eq. (1.40), rewritten here as

. a(jf-180-)
A f-s0) T+ TGT1a0)
indicates that A(j f_g0-) is greater than a(j f_130-) because the denominator is less
than unity. The circuit is nonetheless stable because any signal circulating around the
loop will progressively decrease in magnitude and eventually die out; consequently,
the poles of A(s) must lie in the left half of the s plane.

If|T(jf_180-)] = 1, the above equation predicts A(jf_180-) — oo, indicating
that the circuit can now sustain an output signal even with zero input! The circuit
is an oscillator, indicating that A(s) must have a conjugate pole pair right on the
imaginary axis. Oscillations are initiated by ac noise, which is always present in
some form at the amplifier input. An ac noise component x4 right at f = f_;30-
results in a feedback component x y = —xg, which is further multiplied by —1 in the
summing network to yield x4 itself. Thus, once this ac component has entered the
loop, it will be sustained indefinitely.

If |T(jf-180-)| > 1, mathematical tools other than the foregoing equation are
needed to predict circuit behavior. Suffice it to say here that now A(s) may have
a conjugate pole pair in the right half of the s plane. Consequently, once started,
oscillation will grow in magnitude until some circuit nonlinearity, either inherent,
such as a nonlinear VTC, or deliberate, such as an external clamping network, reduces
the loop gain to exactly unity. Henceforth, oscillation is of the sustained type.
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FIGURE 8.1

Visualizing gain margin GM and phase margin ¢,,.

A quantitative measure of stability is offered by the gain margin, defined as

1
GM = 20log —— 8.1
BTG 1m0 @D

The GM represents the number of decibels by which we can increase {T (jf_go-)|
before it becomes unity and thus leads to instability. For instance, a circuit with
IT(jf—180:)l = 1/+/10 has GM =20 x log;q +/10 = 10 dB, which is considered a
reasonable margin. By contrast, a circuit with {T(j f_130:)| = 1/+v/2hasGM = 3dB,
not much of a margin: only a modest increase in the gain a because of manufacturing
process variations or environmental changes may easily lead to instability! The GM
is visualized in Fig. 8.1 (top).

Phase Margin

An alternative and more common way of quantifying stability is via phase. In this
case we focus on 47 (jf,), the phase angle of T at the crossover frequency fy,
where |T| = 1 by definition, and we define the phase margin ¢m as the number of
degrees by which we can lower 4T (j f;) before it reaches —180° and thus leads to
instability. We have ¢, = <T(j fx) — (—~180°), or

ém = 180° + LT (jfx) (82)

The phase margin is visvalized in Fig. 8.1 (bottom). To .investigatc its signifi-
cance, we write T(jfy) =1 /¢m — 180° = —exp(jdm). The error function is then
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I+ 1/ TGO =1/l — expl—jém)]. Using Euler’s identity exp(—jdm) =
008 P — § 5in P, along with Eq. (1.43), we get

1
\/“ —cos¢m)? + sinZ @
Calculating the error function for different values of ¢ we get 0.707 tor ¢ = 90°,
1 for ¢y = 60°, 1.31 for ¢ = 45°, 1.93 for ¢, = 30°, 3.83 for ¢ = 15°, and oo
for ¢m = 0°. It is apparent that for ¢m < 60° we have |A(jfx)] > |Aideat ( fe 4,
indicating a peaked closed-loop response. Moreover, the lower ¢ is, the more
pronounced the peaking. In the limit ¢m — 0 we get |A(j fx)l = o0, or oscillatory
behavior. In practical designs, a typical lower limit for ¢y, is 45°, with 60° being
more common. -

lAGHIN = |Aideat (ffx} x

EXAMPLE 8.1. The loop gain of Fig. 8.1 has been drawn for Tp = 10* and three pole
frequencies at 100 Hz, 1 MHz, and 10 MHz. Find (a) GM, (b) ¢, and {c) T for
P = 60°.

Solution. We have

104

i = 83a
TGP = Grrner  Gaen + gnenme 6
LT(f) = —{tan~"(f/10%) + an~ ' (f/10°) + tan™" (f/107)} (8.3b)

{a) To find GM we need to know f- k.. The figure indicates that | MHz < f_jg0- <

10 MHz. Start out with 5 MHz, as an initial estimate, then use Eq. (8.3b) to find the

actual value by trial and error. Letting f =S5 MHz in Fq. (8.3b) yields LT(;5 x

10%) = —195.3°. This is too large, so try £ = 3 MHz. This gives ¥T'(j3 x 10°) =

—178.3°, which is too small. After a few more trials we find that T = —180° for

f =3.16 MHz. Then, Eq. (8.3a) gives |T(f3.16 x 10°)| = 91.04 x 1073, Finally,

Eq. (8.1) gives GM = 20.82 dB.

To find ¢, we need toknow f,. The figure provides the initial estimate f = 1 MHz.

Substituting into Eq. (8.3a) gives |T'(j10%)] = 0.7036, which is too smail. So, try

f =700 kHz; this yields |T(;700 x 10%)| = 1.167, which is too large. After a

few more iterations we find that |T] =1 for f =784 kHz. Then, Eq. (8.3b) gives

AT (784 x 10%) = —132.6°, and Eq. (8.2) gives ¢ = 47.4°.

(c) For ¢, = 60°, we want |T(jf_iz)| = 1. Using Eq. (8.3} we find, by trial and
error, f-j20- =512 kHz. The value of the denominator of Eq. (8.3a) at this fre-
quency is 5760. Clearly, for |T| to be unity at this frequency, its dc value Tp must
be lowered from 10* to 5760.

b

~

Peaking and Ringing

The presence of peaking in the frequency domain is usually accompanied by ringing
in the time domain, and vice versa. As illustrated in Fig. 8.2, the two effects are
quantified in terms of the gain peaking GP, in decibels, and the overshoot OS, in
perceniage. Both effects are absent in first-order systems since it takes a complex
pole pair to produce them. For a second-order all-pole system, peaking occurs for
C > 1/+/2, and ringing for { < 1, where the guality factor Q and the damping ratio
¢ are related as @ = 1/2¢, or £ = 1/2Q. Second-order systems are well documented

Normalized Normalized
freq. response (dB) slep response (V)

GP

f(lin)

‘ [ (dec)
(@) (2]

FIGURE 8.2
Hlustrating gain peaking GP and overshoot OS.

in the literature,? where it is found that

2 2
GP =20 lOgl() % for Q> l/\/i (8.4)
08 (%) = 100 exp ——2> forg <1 (8.5)

Vi-¢2
m = cos”! (\/4;4+ 1- 2;2) =cos~! (\/1 +1/404 - l/2Q2) (8.6)

qombining these equations yields the graphs of Fig. 8.3, which relate peaking and
ringing to the phase margin. We observe that peaking occurs for ¢y, < cos™! (/2 —
1) = 65.5°, and ringing for ¢m < cos ' /5 — 1) = 76.3°. It is also worth keeping
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FIGURE 8.3

GP and OS as functions of @, for a second-order all-pole system.
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in mind the following frequently encountered values of GP {(¢n) and OS (¢):
GP(60") = 0.3dB
GP (457) = 2.4dB

0S (60°) = 8.8%
08 (45°) = 23%

Depending on the case, a closed-loop response may have a single pole, a pole
pair, or a higher number of poles. Mercifully, the response of higher-order circuits
is often dominated by a single pole pair, so the graphs of Fig. 8.3 provide a good
starting point for a great many circuits of practical interest.

The Rate of Closure (ROC)

We are now ready to develop a quick means for assessing stability from magnitude
Bode plots for minimum-phase systems, that is, for systems having no roots in the
right half of the s plane. To this end, let us first study the plots of Fig. 8.4, which
pertain to the single-root function H(jf)=(1 + jf/f())i], where —1 holds for
a pole frequency, and +1 for a zero. Denoting the slope of |H| as Slope(|H|),
we observe that for f < f/10, Slope(|f{|) = 0 dB/dec and <H — 0°; for f >
10 fp, Slope(|H]) = +20 dB/dec and <H — £90°; for f = fg. Slope(|H|) —
+10 dB/dec and <H — +45°. We can empirically derive phase (in degrees) from
slope (in decibels per decade) as

4¥H = 4.5 x Slope(|H]) 3.7

This correlation holds also if H(s) has more than one root, provided the roots are
real, negative, and well separated, say, at least a decade apart.

Next, suppose both |a| and |1/8| have been graphed. Observe the slopes of the
two curves at the crossover frequency fy. and call the magnitude of their difference
the rate of closure,

ROC = [Slope (ja]) — Slope (|1/8D)] /=7, (8.8)

Considering that {T(jfx)=<ta(jfx)—{ﬁ"(jfx), we can use the ROC to

+20dB . +90°  0dB . o
13 i
. ' 1 Slope (|H])
PUTIY!) ) SO g AU 45" -10dB f-——mo- 3 . N 45°
] [}
T~ Stope (IH|) :‘IH
0d8 L 0 -2048 1 ~90°
K10 fo 107 Jol10 Jo 106
{a) b)
FIGURE 8.4

Graphical illustration of the relationship 4 H =45 x Slope ({H|) for (a) a zero and (b) a
pole.

iy -

estimate ¢, via Eq. (8.7). The following cases atise so frequently that it is worth
keeping them in mind.

ROC = 20 dB/dec = ¢m = 90° (8.9a)
ROC = 30 dB/dec = ¢y = 45° (8.9b)
ROC = 40 dB/dec = ¢ =0° (8.9¢)
ROC > 40 dB/dec = ¢y < O° (8.9d)

We shall also make frequent use of the propertyhaat for any two frequencies located
within a region of constant slope of +£n20 dB/dec, we have

a

IHGAONHG DY = (i /)" (8.10)

For instance, in the region of constant GBP of an op amp, we get the familiar result

laGN/aGf) = (/)7 = falh.

Finding T Using PSpice

PSpice is a powerful tool for finding T, especially when complex transistor-level
or macromodel-level circuits are involved. A convenient method, developed by
S. Rosenstark,’ requires that we break the loop, inject a test signal in the forward
direction, and perform two measurements at the return end, namely, the measure-
ment of the open-circuit voltage Vie and the short-circuit current frer. Then, we
calculate

T= -t (8.11)
1/Toc + 1/ Tsc

where Toc = Viei/ Viest and Tye = fre1/ iest, Viest and fiest being the voltage and cur-

rent at the point of test-signal injection. The advantage of this method is that we can

break the loop at any point we wish, without hgying to worry about the termination

issues raised in Section 1.7.

The procedure is illustrated in Fig. 8.5 for a 741 op amp with 8 = 0.5. The
circuit includes also Ry and Cy, to model a typical output load, and Cp, to model the
stray capacitance of the inverting-input interconnections. Though we have chosen to
break the loop at the output of the op amp, we could have broken it at any other point,
such as at the inverting-input pin (see Problemn 8.8). The only constraint is that as
we break the loop we must maintain dc continuity for PSpice to perform the dc bias
analysis. In Fig. 8.5a we use the source V; to inject a test signal, a conveniently large
shunt capacitance Coo 10 establish an ac short at the return end, and the source V; to
sense the short-circuit return current. In Fig. 8.5b we use the source G, to inject a
test signal, and a conveniently large series inductance Lo to maintain dc continuity

353
SECTION 8.1
The Stability

Problem




354

CHAPTER 8
Stability

®

)]

FIGURE 8.5
PSpice circuits to find T,c and To..

while providing an ac open. The PSpice circuit file uses the 741 Byle macromodel

as follows.

-

Plotting the Loop Gain T:
.1ib eval.lib

VCC 10 0 dc 15V

VER 11 0 dc -15V
*Circuit to find Tec:
Rlsc 0 1 100k

Risc 1 ) 100k

Cosc 1 O Spr

ALsc 3 0 2k

CLsc 3 0 100pr

100

XoAsc 0 1 10 11 2 va?dl
Vr 2 4 dc OV

vt 4 3 ac IV

€00 & 0 lMegr

*Circuit to find Toc:
Rloc 0 5 100k

Rioc 5 7 100k

Cnoc 5 0 Sp?

Rloc 7 0 2k

Cloc 7 0 100pr

Xonoc 0 5 10 11 6 ua7él
L0O 6 7 1MagH

Gt 0743 1m

.ac dec 10 1Hz 10MegHx

.probe ;Tec = I(Vr)/I{Vt), Toc = V(6)/V(T)

.end

Hegnitude of T°

The results of the simulation are shown in Fig. 8.6. Using the cursor facility of the
Probe postprocessor, we find f, = 390 kHz and T (jfx) = —134°, indicating a
phase margin ¢, = 46°.

mmemermmeeesemcmceeau

1.0z 100M2 10KH;
o -plLIVE/L(Yr)4V(T)/V(6))-180
Frequency

FIGURE 3.6
Bode plots of T for the op amp circuit of Fig. 8.5.
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8.2
STABILITY IN CONSTANT-GBP OP AMP CIRCUITS

Op amps with a constant GBP are said to be unconditionally stable because with
frequency-independent feedback, or 4 =0, they are stable for any g <1 V/V.
Since we now have 4T = {(af) = 4a, and ¥a(jfx) = —90°, these circuits enjoy
®m = 180° + La(jfx) = 180° — 90° = 90°. Look at Figs. 6.5b and 6.7 to appre-
ciate the unconditional stability of the noninverting and inverting amplifiers: in both
cases the rate of closure is ROC = 20 dB/dec.

As the transition frequency f; is approached, constant-GBP op amps exhibit
additional phase lag due to higher-order poles. Typically, <a(jf;) = —120°, so
60° < ¢m < 90°, depending on the value of 8. The circuit with the lowest phase
margin is the voltage follower, for which g = 1 V/V and f; = f,. We observe that
an op amp that has been stabilized for voltage-follower operation will be stable also
as an inverting integrator, since the latter has g(jf,) = 1 V/V. Look at Fig. 6.25b
to convince yourself.

Feedback Pole ,

If the feedback network includes reactive elements, either intentional or parasitic,
stability may no longer be unconditional, and suitable measures may have to be
taken to raise @,,. Of special concem is the case of a single feedback pole, or

_ P
4 iflfp

where f is the dc value of the feedback factor. Note that a pole (or a zero) of B
becomes a zero (or a pole) for | /8. Since we are going to be working with |/8
rather than §, we find it more appropriate to use the symbol f; instead of fp. (The
reader is cautioned against confusing the twol)

The effect of a feedback pole is illustrated in Fig. 8.7 for the case f; < 5o fi-
At f = fx we have Slope (la|) = ~20 dB/dec and Slope (|1/8() = +20 dB/dec, so
ROC = |~20 — (+20)] = 40 dB/dec. By Eq. (8.9¢), ¢m = 0°, indicating a circuit
on the verge of oscillation. We can gain additional insight by examining the error
function 1/(1 + 1/T). Using the high-frequency approximation a = f; /j f and let-
ting 1 /T =(l/a) x (1/B) = (Jf/f) x (1 + jf/f:)]Bo, we get, after straightforward
algebra,

BGN = (8.12)

. I
AUD = Adea X T T GRITOTO
fr= vV fBofe Q= vVbofilf: (8.13p)

The error function coincides with the second-order low-pass function Hyp defined
in Eq. (3.44). Its characteristic frequency f, is visualized in Fig. 8.7 as the geometric
meun of f; and By f;. We also note that the lower f, compared te g f7, the higher the
Q and, hence, the more pronounced the peaking and ringing. We shall now investigate
the most common examples of feedback poles, along with suitable stabilization
techniques.

(8.13a)

A
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FIGURE 8.7

Tlustrating the effect of a pole within the feedback loop of an
internally compensated op amp.

The Differentiator Circuit

As we know, the differentiator of Fig. 8.8a gives, in the limit a -> 00, Higeal =
—(jf/fo). where fo=1/2n RC is the unity-gain frequency. To find the actual trans-
fer function H(jf), we observe that B=Zc/(Zc + R), Z¢c=1/j2n fC, where
we have assumed ry =00 and r, =0 for simplicity. Expanding gives B(jf}=

(@) ©®)

FIGURE 8.8
Uncompensated differentiator.
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1/(1 + jf/fo). Applying Eq. (8.13) to the present case, we get
H{jf)=—(jf/fo) x Hip (8.14a)
fx =V 0=Vl (8.14b)

As depicted in Fig. 8.8b, the circuit exhibits an intolerable amount of peaking and
is thus on the verge of oscillation.

EXAMPLE 82, A 741 op amp differentiator has R = 159kQ and C = 10nF. Find f,,
@, and ¢,,.

Solution. We have fy = 1/(21 x 159 x 10° x 10 x 10=%) = 10? Hz, f, = (100 x
1052 = 10 kHz, @ = (10802 = 100, LT (jf:) = Katjf,) — W/BULI =
—tan~"(f/f)) — an ' (fi/fo) = -90° — tan~' (J0H/10?) = —179.4°, §, = 180° —
179.4° = 0.6°.

A common way of stabilizing the differentiator is by adding a series resistance
R; as in Fig. 8.9a. At low frequencies R; has little effect because Ry « |Zcl.
However, at high frequencies, where C acts as a short compared to Ry, the asymptotic
value becomes j1/B8.0| = 1+ R/R;, indicating the creation of a break frequency
past which the |1/8| curve flattens out. If we position this breakpoint right on the la|
curve, as in Fig. 8.9b, then we obtain ROC = 30 dB/dec, or ¢m = 45°, by Eq. (8.9b).
To find the required Rs,impose | + R/Rs = la(ifl = fi/fx = ¥ fi7fo > 1. This
gives

Ry = R/V filfo @®.15

Thus, for ¢, = 45° in Example 8.2, use R; = 159/+/ l@/l()(): 1.59 kS2. If a greater
phase margin is desired, the second break frequency can be lowered fucther, but
at the price of further reducing the frequency range of near-ideal differentiator
behavior.

dB

(a)

FIGURE 3.9
Compensated differentiator.

Stray Input Capacitance Compensation

All practical op amps exhibit stray input capacitances. Of special concern is the net
capacitance Cp of the inverting input toward ground,

Co=Cq+Cc/2+ Cent (8.16)

where Cy is the differential capacitance between the input pins; C. /2 is the commaon-
mode capacitance of each input 1o ground, so that when the inputs are tied together
the net capacitance is the sum of the two; and Cey is the external parasitic capuc-
irance of components, leads, sockets, and printed-circuit traces associated with the
inverting input node. Typically, each of the above components is on the order of a
few picofarads.

As in the case of the differentiator, C,, creates a feedback pole whose phase
lag erodes ¢m. A common way of counteracting this lag is by using a feedback
capacitance C to create feedback phase lead. This is illustrated in Fig. 8.10a for
the inverting case. Assuming rg = oo and r, =0, we have 1/8 = 1+ Z5/Z,, where
Zy = RNV f2nfCp)and Z3 = Ry || (1/j2m f C). Expanding, we get

1 RZ l+ff/fz
S ra 2\ T M) )
5 ( * Rl) T+ if/f ®17

where f; = 1/[2n(R) | R2}(Cn + Cp)l and fp = 1 /27 RyCy.

In the absence of Cy we have 1/8 = (1 + R2/R)M! + jf120(Ry || R2)Crl),
indicating that the |1/8| curve bends upward. If its break frequency is located well
below the crossover frequency, we have ROC = 40 dB/dec, or a circuil on the verge
of oscillation. This situation corresponds to the curve ¢ = 0 in Fig. 8.10b.

dB

% Pn=0°

P, =45°

1+ Ry /R, f #,, =90°

0 L lf‘\ J (dec)

FIGURE 8.10
Stray input capacitance compensation.

Inserting C s creates a second breakpoint at fp beyond which the |1/8] flattens
out toward the high-frequency asymptote 1/80c = | + Zc,/Zc, =1+ Cy/Cy.By
properly positioning this second breakpoint we can increase @p,. For ¢ = 45° we
Place £, right on the |a| curve, 50 fp = Boo fi. Rewriting as 1/2n Ry Cr = fr /(1 +
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Cn/Cy) gives

Cr=0U+ V1 +8rRCy f1)/4n Ry f for ¢, = 45° (8.18q)

Alternatively, we can compensate for ¢m = 90°. In this case we place f}, right on
top of f; so as to cause a pole-zero cancelliation. This makes the |1/8| curve flat
throughout, or 1/80c = |1/Byl. Rewriting as | + Cn/Cy = | + Ra/R, yields

Cr=(Ri/R))Cy  for ¢ = 90° (8.18b)

Moreover, the crossover frequency is Boc fi = Bo fi = fi/(1 + Ry/R}). This tech-
nique, also called neutral compensation, is similar to oscilioscope probe compensa-
tion.

We observe that the introduction of Cy yields, in the limit a — 00, Ajdeal =
—Z3/Ry = (—Ry/R)/(1 + jf/fp). that is, Ajges is frequency-dependent with
a pole frequency at f = f,. Moreover, the error function 1/(1 + 1/T) has a pole
frequency at the crossover frequency oo fr. Hence, the actual gain A(jf) = Aideal/
(1 + 1/T) has a pole-frequency pair, namely, f; and 8o f;.

EXAMPLE 83. InFig. 8.10a let R; = R; = 30 kQ, and C,y = 3 pF. Moreover, let
the op amp have GBP = 20 MHz, C; = 7 pF, and C, /2 = 6 pF. (a) Find ¢,, with Cy
absent. (b) Find C for ¢y, = 90°. (c) Find A(jf) after compensation. (d) Verify with
PSpice.
Solution.
(a) Wehave | + Ry/Ry =2,Co =T46+3=16¢F, f, = 1/27m x 15 x 10? x 16 x

107'?) = 663 kHz, and 1/8 = 2[1 + jf/{663 kHz)]. Using Eq. (8.13b) we find

Q = 3.88, and using Eq. (8.6) we find ¢, = 14.7°—not a very convincing margin.
{P) Use C; = (30/30)16 = 16 pE.
(c) Wehave f, = 1/2nR,Cy = 332 kHz and B f; = (1/2)20 = 10 MHz, s0

-1
- - VIV

[t + jf/(332kH2))[1 + jf/(10 MHz)]

(d) With reference to Fig. 8.11, we write the following file.

A(ifY =

G

2 [ R, |
| 0 v,
3

FIGURE 3.11
PSpice circuit of Example 8.3.

Stray input capacitance compensation:

vI 10 ac 1V pulse (0 1V 0 1ne lns 4us Sus)
R1 1 2 30k

Cn 2 0 16pr

R2 2 3 30k

Cf 2 3 16pr

0al 5 0 ¢ 2 1Mag ;a0 = 1 V/uv

Req 5 6 1Meg

Ceq 6 0 7.956aF ;fb = 20 Hx

esout 3 0 6 0 1 joutput buffer

*Circuit to plot l/beta:

R2f 1 22 30k

ceLf 1 22 16pF -

R1f 22 0 30k

caf 22 ¢ 16pr

.ac dec 50 100kHz 100MegH:z

.tran 10ns dus Ons 10ns

.probe ;asV(3}/V{0,2), 1/beta=V(1)/V(22}, A=V(3)/V(1l}; vO(t}ev(3)
.and

The results of the simulation, shown in Fig. 8.12, confirmn the stabilizing effect of C; as
well as the ciosed-loop pole frequencies of 332 kHz and 10 MHz.

Uncompensated closed-1otp gein

Compensated closed-100p gain

R CL LR R EPR T PP e qemeemctocisananasann LTI T T R S -

100KHz 1.0mz 10z

o » dB(V(3)/V(0,2)) a w dB(V{1I/V(22)) o o dB(V(3)/V(1))
Froquency

Compenssted step rasponse

2 OV oo m ey B REEEE T T paemmrenm e {
2.0p8 3_Ous 4 Ops
o o ¥(3) .
Time
FIGURE 8.12

Frequency and transient responses of the circuit of Fig. 8.11.
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Ry

(@) [14]

FIGURE 8.13
Stray input capacitance compensation for the noninverting configuration.

We now turn to the noninverting configuration® of Fig. 8.13a, where the various
stray input capacitances have been shown explicitly. We observe that the overall
capacitance C,, is still given by Eq. (8.16). However, the portion C} = C¢/2 + Cex;
is now in paralle] with R), so we have Ajgeal = 14+22/2), 21 = Ry || (1/j2rfCy),
Zy = Ry || (1/j2rfC ). We can make Ajgeq) frequency-independent by using

Cf =(R/R2)(Cc/2+ Cex) 8.19)

The effect of C is shown in Fig. 8.13b. The actual gain is now A(jf) = (1 +
Ro/R)JQ+ jf/f) fx = Boo ft = fi/(1 + Cn/Cp).

EXAMPLE 84. Stabilize the circuit of Fig. 8.13a if the data are the same as in Example
8.3. Hence, find A(jf).

Solution. We have C; = (30/30)(6 +3) = 9pF, f; = 107/(1 + 16/9) = 7.2 MHz,
and
2

AN E S

With careful component layout and wiring, Cext can be minimized but not
altogether eliminated. Consequently, it is always a good practice to include a small
feedback capacitance C in the range of a few picofarads to combat the effect of C,
as given in Eq. (8.16).

Capacitive-Load Isolation

There are applications in which the external load is heavily capacitive. Sample-and-
hold amplifiers and peak detectors are typical examples. When an op amp drives a
coaxial cable, it is the distributed cable capacitance that makes the load capacitive.
Capacitive loading is shown in Fig. 8.14a, which pertains to both the inverting and
the noninverting amplifier: for the former we lift node A off ground and apply the
input source there, and for the latter we lift B and use it as the input node.

dB

ap

1+ RyR, , -~y

. N
FARAVAN

(@) (&)

£ (dec)

FIGURE 8.14
Capacitive loading.

The capacitance C, forms a pole with the open-loop output resistance ro.
Ignoring loading by the feedback network, the loaded gain can be expressed as

1
Bloaded = @ ————
loaded = ) ¥ i 115

where fp = 1/21r,Cp. As shown in Fig. 8.14b, the effect of the pole is to increase
the ROC and thus invite instability. Looked at from another viewpoint, C;, will tend
to resonate with the equivalent inductance Leg of the closed-loop output impedance
Z, investigated in Section 6.3. Hence, intolerable peaking and ringing may ensue.

The popular cure depicted in Fig. 8.15 uses a small series resistance R; to
decouple the amplifier output from Cp, and a small feedback capacitance Cyto
provide a high-frequency bypass around C. as well as to combat the effect of any
stray input capacitance Cy. It is possible to specify the compensation network so
that the phase lead introduced by Cy exactly neutralizes the phase lag due to CrL.
The design equations for neutral compénsation are’

Rs=(Ri/Rro  Cj=(1+Ri/R) (ro/R2CL (8.20a)
and the closed-loop bandwidth is fg = 1/2x R3Cs. In the case of voltage-follower

R,
AN
Rl Yy
A I—\'V‘ i}
= C]
& "
B o c,

FIGURE 3.15
Stabilizing a capacitively loaded op amp circuit.
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operation, where Ry = oo and R; = 0, a convenient alternative is provided by the
design equmions6

Rs = 30r,

Cr=+v CL/18ar,B1; (8.200)

where f; is the transition frequency of the op amp and B = 1 V/V for the voltage
follower. The closed-loop bandwidth is now fg = /Bf/187r,CL.

EXAMPLE 85. (a) Assuming the op amp of Fig. 8.14a has GBP=10MHz and r, =
100 Q, specify component values for operation as an inverting amplifier with Ap=
—2V/Vand C = 5 nF (b) Find A(jf).

Solution.

(a) For Ag = —~2 VIV, use R) = 10k and R; = 20 k<, and insert the input source at
node A. Then, Eq. (8.20a) yields R, = 50 Q2 and C; = 56 pF.

(b) We have f_14p = 1/271 R,C; = 140 kHz. An additional breakpoint occurs at f, =
£ x GBP = (1/1)107 = 3.33 MHz. Consequently,

~2

vV
[+ jf/(i4p x 1091 + jf/(3.33 x 109)]

AGS) =

We observe that since R; is inside the feedback loop, its presence does not
degrade dc accuracy appreciably. However, Rs should be kept suitably small to
avoid excessive output-swing reduction and excessive slew-rate degradation. In a
practical op amp the open-loop output impedance tends to behave inductively at high
frequencies, so the above equations provide only initial estimates for Ry and Cyy.
The optimum values must be found empirically once the circuit has been assembled
in the lab.®

An alternative way of stabilizing a capacitively loaded amplifier is via the input-
lag method, to be discussed in Section 8.4. The need to drive capacitive loads arises
frequently enough to warrant the design of special op amps with provisions for au-
tomatic capacitive-load compensation. The AD817 (Analog Devices) and LT1360
(Linear Technology) op amps are designed to drive unlimited capacitive loads. Spe-
cial internal circuitry senses the amount of loading and adjusts the open-loop re-
sponse to maintain an adequate phase margin regardless of the load. The process,
completely transparent to the user, is most effective when the load is not fixed or is
ill-defined, as in the case of unterminated coaxial cable loads.

Other Sources of Instability

In circuitry incorporating high-gain amplifiers such as op amps and voltage compara-
tors, the specter of instability arises in a number of subtle ways unless proper circuit
design and construction rules are followed.” ' Two common causes of instabil-
ity are poor grounding and inadequate power-supply filtering. Both problems stem
from the distributed impedances of the supply and ground busses, which can provide
spurious feedback paths around the high-gain device and compromise its stability.
In general, to minimize the ground-bus impedance, it is good practice (o use a
ground plane, especially in audio and wideband applications. To reduce grounding

problems further, it is good practice to provide two separate ground busses: a signal-
ground bus to provide a return path for critical circuits—such as signal sources,
feedback networks, and precision voltage references—and & power-ground bus to
provide a return path for less critical circuits, such as high-current loads and digital
circuits. Every effort is made to keep both dc and ac currents on the signal-ground
bus small in order to render this bus essentially equipotential. To avoid perturbing
this equipotential condition, the two busses are joined only at one point of the circuit.

Spurious feedback paths can also form through the power-supply busses. Be-
cause of nonzero bus impedances, any change in supply currents brought about by a
load cuirent change will induce a corresponding voltage change across the op amp
supply pins. Due to finite PSRR, this change will in turn be felt at the input, thus
providing an indirect feedback path. To break tis path, each supply voltage must
be bypassed with a 0.01-uF to 0.1-uF decoupling capacitor, in the manner already
depicted in Fig. 1.36. The best results are obtained with low ESR and ESL ceramic
chip capacitors, preferably surface-mounted. For this cure to be effective, the lead
lengths must be kept short and the capacitors must be mounted as close as possible to
the op amp pins. Likewise, the elements of the feedback network must be mounted
close to the inveriing-input pin in order to minimize the stray capacitance Cey in
Eq. (8.16). Manufacturers often provide evaluation boards to guide the user in the
proper construction of the circuit.

8.3
INTERNAL FREQUENCY COMPENSATION

If we were to remove the 30-pF capacitor from the 741 op amp, we would end up
with an uncompensated device. Such a device has indeed been marketed as the 748
op amp for those users who prefer custom compensation. Another highly popular
uncompensated contemporary is the 301 op amp.

With the low-frequency dominant pole removed, an uncompensated op amp
exhibits much higher bandwidth, but also much greater phase shift due to various
high-frequency poles and zeros. Such a device is unstable in most applications, so
efforts must be made to stabilize it. The overall response of an uncompensated op amp
is the result of its individual internal-stage responses, and can be rather complex. For
illustration purposes, however, the following three-pole approximation is generally
satisfactory,

-

ap

M+ AN+ f1RY+ 1)

The magnitude plot of Fig. 8.16 (top) shows also important phase values, which
have been associated with slope using Eq. (8.7). Note that GBP is constant only for
fi<f<fr

Suppose we apply frequency-independent feedback around such an op amp.
With this type of feedback the 1/ curve is flat, so we can visualize the |T'| curve as the
la) curve, but withthe | 1/ 8| line as the new 0-dB axis. Aslongas 1/8 > |a(jf- 15)).
the rate of closure is ROC < 30 dB/dec, indicating a phase margin ¢ > 45°. For
la(if_13s) = 1/B = |la(jf- 30} we have 30 dB/dec < ROC < 40 dB/dec, or

a(if) = (8.21)
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FIGURE 8.16
A three-pole open-loop response, showing a correspondence between phase shift and slope.

45° > ¢y, > 0°, indicating an inadequate degree of stability. Finally, for 1/ <
la(jf—180-)| we have ROC > 40 dB/dec, or ¢m < 0, indicating oscillatory be-
havior. Figure 8.16 (bottom) illustrates how peaking increases as we reduce 1/8.

It is apparent that uncompensated op amps provide adequate phase margins
only in high-gain applications. For instance, we must have 1/8 > |a(jf_135-)) for
¢m = 45°. To accommodate lower closed-loop gains, frequency compensation is
needed. This is achieved by modifying either the open-loop response a(jf) (inter-
nal compensation), or the feedback factor 8(; f) (external compensation), or a com-
bination of both, as in decompensated amplifiers (see Section 8.4).

EXAMPLE 86. The £t A702, the first monolithic op amp, had"' ¢y = 3600 VV, f| =
| MHz, f; = 4 MHz, and f; = 40 MHz. Find (a) la(jf-1.s Y. and (b) |a{j f_ 30 )\

Solution.

(a) Start out with the estimate f_j35- =4 MHz. Then, use the trial-and-error technique
of Example 8.1 to find f_(35. =4.78 MHz, and |a(jf-135-)| = 470 V/V. An un-
compensated 702 circuit is stable with ¢,, = 45° only for {1/8{ > 470 V/V.

(b) Similarly, |a(jf-is )| = la(j14.3 MHz)| = 63.7 V/V, indicating that for |1/8] <
63.7 VIV the circuit oscillates.

Figure 8.17 shows a three-pole op amp model that we shall use as the basis of
our discussion as well as PSpice simulations.

4 5 6 7 ]
1 3
+ + + L] + o &
g Va P RER (IR () Gz W 3 C;_I_Y:\ %, Yo
) )
2 0 0
0 0 0

FIGURE 8.17
Three-pole op amp model, consisting of two transconductance stages and a voltage buffer.

Dominant-Pole Compensation

The objective of this method is the deliberate creation of a pole at a sufficiently low
frequency £ to ensure a rolloff rate of —20 dB/dec all the way up 1o the crossover
frequency fy. Figure 8.18 provides a graphical means for finding f;. First, we draw
the {1/ B curve corresponding to the required closed-loop gain. Next, we locate point
X corresponding to the desired fx. For ¢ =45°, let fx = f). From X we draw a
line with a slope of —20 dB/dec until it intercepts the dc gain asymptote at point D.

dB

g

£ (dec)

FIGURE 8.18
Dominant-pole compensation.
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The abscissa of I is fy. By the constancy of the GBP we have ag f; = (1/8) fr, or
-5
Bay

It is apparent that dominant-pole compensation causes a drastic gain reduction above
Su- But, this is the price we are paying for stability!

Ja (8.22)

EXAMPLE 87. Find f 1o make the £A702 op amp of Example 8.6 unconditionally
stable with ¢, = 45",

Solution. After creating the new pole frequency we have

Inewljf) = a(jf)

1
U+ jf/fa
with a{jf) as in Eq. (8.21). For ¢, =45° we want Lap.(jf;)=—135°. But,
Lapew (I =~tan""(f, /f2) + La(jfo), or =135 = —90° + La(jf:), indicating that
we need da(jf,)=—45. By trial and error we find that <a =—45° at f =683 kHz,
where |a| = 2930 V/V. Imposing 1 = 2930/,/1 + (683 x 10°/f,)? gives f; = 233 Hz.

Shunt-Capacitance Compensation

The above discussion assumes that a fourth pole is added to the open-loop response,
and that the existing poles are unaffected by this procedure. For the purpose of
maximizing bandwidth, it is more efficient to rearrange the existing poles rather
than create a new one. Specifically, if we decrease f; until f, coincides with f3, as
in Fig. 8.19b, then the open-loop bandwidth will be improved by the factor f5/f;
compared to Fig. 8.18. A pole frequency is decreased by adding capacitance to the
internal node causing it. Referring to Fig. 8.17, we observe that the equivalent resis-
tance and capacitance of node V| form a low-pass function with the pole frequency
N = 1/27 R\ C). If we deliberately add an external capacitance C, as shown for the
first-stage model of Fig. 8.19a, then f; is changed to finew) = 1/27 R{(Ct + C¢).

dB

a

? 3 . I ey
Sitnewr h I Yf\\

ta) (1]

FIGURE 8.19
Doaminant-pole compensation using a shunt capacitance C,.

Rewriting Eq. (8.22) as f(new) = S2/Bag gives, for fimew) < fi.

~ Bao
‘T 2mRify

(8.23)

If the 741 op amp of Fig. 5.1 were not already compensated, a proper place to
connect the shunt capacitance would be between the base of Q5 and the negative-
supply rail. Note that adding shunt capacitance to a node usually affects also the
other pole frequencies,'! a feature not explicitly conveyed by the simplified mode!
of Fig. 8.17. Consequently, it may be necessary to calculate or measure the new
value of f> and perform a few iterations to find the correct value of C,.

EXAMPLE 88. In the op amp model of Fig. 817 let rg=1MQ, g =2mA/NV,. R, =
100 k2, g2 = 10 mA/V, R; = 50kQ, and rp = 100 Q2. (a) If the open-loop response
has three pole frequencies at fj = 100 kHz, f; = | MHz, and f; = 10*MHz, find the
dominant pole f; and shunt capacitance C. needed for operation as a voltage follower
with ¢,, = 45°. (b) Repeat, but for operation as a unity-gain inverting amplifier.

Selution.

(a) By inspection, ayg = g, R1g2Rz = 10° V/V, and C, = 1/2n R, f; = 15.9 pF. For
B =1 VIV we get fimewy = f2/Pao = 10Hz and C. = 159 nF.
(b) Now B = 0.5 VIV, 50 finewy = 20Hz and C. = 79.6 nF.

Miller Compensation

Given the low-frequency nature of the dominant pole, the value of the shunt capaci-
tance C tends to be too large for monolithic fabrication. As mentioned in Chapters 5
and 6, this drawback is overcome by placing C in the feedback path of one of the
internal stages to take advantage of the multiplicative action of the Miller effect
for capacitance. Luckil{, another unexpected benefit accrues from this connection,
namely, pole splitting.11:12

InFig. 8.20a, C, has been placed in the feedback path of the second stage, which,
for the 741 op amp, is the Darlington stage depicted in Fig. 5.1. In the absence of C,

[vyv,) (dB)

& Mg R |

£ (dec)

[}
[}
[}
[}
[}
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t
[}
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!I(nc\w] fl(new)

VA

(a) . (h)

FIGURE 8.20
Miller compensation and pole splitting.
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the circuit provides the pole frequency f| = 1/2x R|C) at the input, and the pole
frequency f2 = 1/2m RoCy at the output. With C, present, a detailed ac analysisI2
(see Problem 8.30) yields

V- jflfz
824
T+ 37 Fraem) (1 + 71/ fatwew) .24

Y2 & o RizaR
Vd—gl 1822

where f; = g2/2nC,, and

f ~ 1 f ~ £2:Cc
Hnew) = 2n R g2 R2C, new) = 2n(C 1 Cz + C.Cy + CcC?)

Equation (8.24) reveals the presence of a positive real zero at s = 2 f;, thus
providing an example of a cireuit that is not a minimum-phase system, This zero
stems from direct signal transmission through C, to the output, and its effect is
to reduce ¢,,. However, in bipolar op amps f; is usually high enough to warrant
approximating 1 — jf/f, = 1 over the useful frequency range. )

Equation (8.25) indicates that increasing Cc 10Wers fj(pew) and raises faqnew),
causing the poles to split apart. Pole splitring, depicted in Fig. 8.20b, is highly
beneficial since the shift in £, eases the amount of shift required of fi, thus allowing
for a wider bandwidth. We also note that the dominant-pole frequency is due to the
familiar Miller-multiplied capacitance g2 R2C, which combines with the input node
resistance Ry to form fi(pew).

(8.25)

EXAMPLE 89. Repeat (a) and (b) of Example 8.8, but using a feedback capacitance
C.. {c) Use PSpice to compare the two compensations for the voltage-follower case.

Solution.

(@) C,=159pF, Ca=1/2R; f; = 3.18 pF. To find fi(new) We need to know fo(uem)-
Assume C, » C,, so we can estimate fopewy = £2/127(C, +C3)] = 83 MHz.
Since this is much higher than f;, which is 10 MHz, we impose f,=f3
=10 MHz for ¢, =45°. Then, fimew) = f3/Pao =100 Hz, which gives C, =
1/27 Ry 82 R fitnewy = 31.8 pF. By Eq. (8.25), foinew) = 77 MHz; moreover, f; =
g2/2nC, = 50 MHz, confirming that both f, and finew) are well above f,. It
can be shown (see Problem 8.31) that the actual values of f; and ¢, are 7.9 MHz
and 36.7°.

(b) Now B = 0.5 V/V, 30 fi(new) = 200Hz, C; = 159 pF, and fijpewy = 71 MHzZ.

(c)_Referring to Fig. 8.17, we write the following circuit file for the uncompensated
device.

Dominant-pole compensation:
“a0 » 100 V/mV, £1 « 100 kHs, £2 = 1 MHz, £3 = 10 MHs

£d 1 2 1deg
9140122
Rl 4 0 100k
€14 0 15.92pF
g2504 0 10m
R2 5 0 50k
€25 0 3.103pF
e3 60501
R3 § 7 10k
€370 1.592pF

080701

ro 8 3 100

vi 10 ac 1 pulse (0 1V 0 10ns 10ns 2us 4dus)
REf 23 1k

.ac dec 10 1Ez 100MegH:x

.tran 0.1lus 2us

.probe ;a = V(3)/V(1,2), vO(t) = vi{3)

.end

To compensate with a shunt capacitance C,. we add the statement
Cc 4 0 159nF

whereas to compensate with a feedback capacitance C. we add

Cc 4 5 31.8pF

The results of the simulation are shown in Fig. 8.21.

FIGURE 8.21
Frequency and transient responses for Example 8.9
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Unconditionally stable op amps are compensated for 8 = | V/V. Since this re-
quires the lowest dominant-pole value and, hence, the largest C, these op amps are
of necessily compensated conservatively. When used with § < 1 V/V, they tend to
be wasteful in terms of bandwidth and slew rate since a smaller value of C, would
suffice. Custom compensation may then prove a better alternative.

Pole-Zero Compensation

An alternative dominant-pole compensation technique is pole-zero cancellation.
This technique, shown for the first-stage model of Fig. 8.224, uses a capacitance
C¢ >» C) 1o significantly lower the first-pole frequency fj, and a resistance R, < R
to create a zero frequency that is used to cancel the second-pole frequency f3. The
compensated response is then dominated by the lowered first-pole frequency up to
3, which, for ¢, =45°, becomes the new crossover frequency. To see how this
comes about, note that the transfer function is now Vi /Vy=—g|[R{[|(1/j27 fCDI|
(Re + 1/j2n fC,)]. After expanding (see Problem 8.33), we get, for C. » C; and
R, < Ry,

Vi 1+ jf/f:
L >(_oR 8.26
Ve ok (V4 Jf/fimew) (L + S/ f8) (8.26)
~ | __ L

Slinew) = RIC. fi = W R.C. Jfa 8.27)

= 27RC,

In the absence of R, and C we have V| /Vy = L/(L+jf/f1). i = 1/2n R, Cy.
Inserting R and C. lowers the first-pole frequency to fi(new) < f1. creates a zero
frequency at f; > fi(new). and creates an additional pole frequency at f3 > f;. If
we specify the compensation network so that f, = f>, then we have a zero-pole
cancellation and Eq. (8.21) becomes

. — ao
anew(Jf) = (L4 if fimews) (L + jF/ )+ jf1f3)
dB
dy

|
|
|
|
|
[}
|
|
1
|
1

1
flmcw) fl fz f'l\

(a) (b)

FIGUREF 8.22
Pole-zero compensation.

For ¢m = 45° we let f, = f3. Then, rewriting Eq. (8.22) as fjew) = f3/Bagp, and
noting that finew) K f1 < f2, we get

Bag
= 8.28
‘= WRif (8.28a)
Moreover, imposing f; = f3 yields
R.=1/2nC.fa (8.28b)

Comparing Eqg. (8.284a) with Eq. (8.23) reveals a bandwidth improvement by the
factor f3/f2 with respect to the shunl-capacilanse method.

EXAMPLE 8.18. Use the pole-zero method to compensate the op amp of Example 8.8
for g = 45°and g = 1.

Solution. C, = 10°/(2r x 10°x 10") = 15.9nF, R, = 1/(2n x 159 1077 x 10%) =
10 Q. Note, incidentally, that f3 = 1 GHz, thus justifying our choice of f; as the cross-
over frequency.

Feedforward Compensation

In a multistage amplifier the overall phase shift at f; is the result of its individual-
stage phase contributions. Usually there is one stage that acts as a bandwidth bottle-
neck by contributing a substantial amount of phase shift. Feedforward compensation
creates a high-frequency bypass around this bottleneck stage to suppress its phase
contribution in the vicinity of f; and thus increase the phase margin.

The principle is illustrated in Fig. 8.23a, where the overall gain a of the un-
compensated amplifier is expressed as the product of the gain a; of the bottleneck
stage and the gain ap of the remaining stages lumped together. The bypass around

a 'RI
£ o
30k}
vio 9 z oV, Vi L
h
(@) . ()

FIGURE 8.23
Feedforward compensation and implementation example.
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the bottleneck stage is a high-pass function of the type
niify = LR
Y+ ififo

so that
anew (i) =1a1G Y+ hG N2 )

At low frequencies, where jh| <« |aj|, we have apew = ajay = a, indicating that
the high-gain advantages of the uncompensated response still hold there. However,
at high frequencies, where |a;| < |h), we now have anew = a3, indicating a wider
bandwidth as well as a lower_phase shift because the dynamics are now controlled
by a3 alone. .

Problems may arise!: 13 inthe frequency region where ape,, makes its transition
from 2 ay to az. If Lapew approaches — 180° before the transition, excessive ringing
may develop. Furthermore, a phase shift of —180° at the transition causes signal
cancellation at the summing node, thus creating a notch in the compensated response.

Feedforward compensation is implemented with a capacitive bypass around the
bottleneck stage. This is shown in Fig. 8.22b for the case of the 301 op amp.1 In this
device the bandwidth bottleneck is the input stage because of the presence of lateral
pnp transistors, whose frequency charsacteristics are notoriously poor. Connecting
C. between the inverting input (pin 2) and the input to the second stage (pin 1)
bypasses the input stage by creating a high-pass function with fy=1/2n ReqC¢.,
where Req is the equivalent resistance seen by C.

Since only signals at the inverting input are transmitted to the second stage,
feedforward compensation provides a much lower bandwidth for signals applied
to the noninverting input. Consequently, this compensation is worthwhile only in
inverting applications. Note also the presence of the feedback capacitance Cy to
combat the effect of stray capacitance at the inverting input.

84
EXTERNAL FREQUENCY COMPENSATION

In this section we examine compensation techniques that stabilize a circuit by mod-
ifying its feedback factor 8(j f).

Reducing the Loop Gain

This method shifts the [1/8| curve upward until it intercepts the |a| curve at f =
f-135 . where ¢ =45° (or further up for ¢, > 45°). This shift is obtained by
connecting a resistance R, across the inputs, as in Fig. 8.24a. The circuit shown can
be either an inverting or a noninverting amplifier, depending on whether we insert
the input source at node A or B.

Assuming ry = 00 and r, = 0 for simplicity, it is readily seen that

1 R, R, R
—= b =l ==+ == 8.29
B (Ry 1l Ro) Ry R .29

By choosing R, suitably small, we can move the 1 /8 curve up until 1/8 = la(jf2)l,

dB

ag

I

]
b
1
1
|
i
latif35) : i
: 1
; )
i i 14+ Ry /R,
1 M
i !
ol - (dec)
7 AR
(a) (b
FIGURE 8.24
Frequency compensation via loop-gain reduction.
where ¢ = 45°. This is shown in Fig. 8.24b. Solving for R yields
Ry
(8.30)

Re = ;
laGif2)l — (1 + R2/R))

If ¢,,._5£ 45° is desired, then replace f; with S~ 180-, where ¢, is the desired phase
margin, and fy _ )30 is the frequency at which <a = om — 180°.

!t should be pointed out that the presence of R, does not affect A;geq in the
relation A = Ajgeni/(1 + 1/T); R, only reduces 7, resulting in a larger gain error.
Moreover, the much increased dc noise gain may result in an intolerable dc output
emor Eg. Again, these are the prices we are paying for stability!

EXAMPLE 811 An op amp with ap = 10° V/V, f; = 10 kHz, f, = 3 MHz, and
f? = 30MHz is to be used as an inverting amplifier with R, = 10k and Ry = 106 ks2.
Flnd (@) R, for ¢y = 45°, (b) the dc gain error, (¢) the dc output error E if the total
input de error is E; = 1 mV, and (d) the closed-loop —3-dB frequency.

Solution.

(a) :;:) gza)lcnlalc la(jf2{=234.5 VIV. Then, Eq. (8.30) gives R.=447.4Q (use

(b) uuir_ng fec = 430 Q in Eq. (8.29) gives | /8 = 244 V/V. Then, apf = 10°/244 =
410, indicating a dc gain error €g = — 100/ayf = —0.24%.

) Eog =(1/B)E; =244 x | =244 mYV, quite an eror!

(d) Soae = f2 = 3MHz.

Input.Lag Compensation

:'hc hig_h dc noiscjgain drawback of the previous method is overcome! by placing
Capacitance C. in series with R,, as in Fig. 8.254. At high frequencies, where
¢ 8Cts as a short compared to R, the {1/8| curve is unchanged compared to
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dB

lal

e o b i e ne . m m —————

]
i
1 \1+RyR,
i
1
1

\‘\ £ (dec)

ho 0 A\

(a) *)

FIGURE 8.25
Input-lag compensation.

Eq. (8.29). However, at low frequencies, where C. acts as an open, we now have
I1/Bol = 1+ Ry/Ry. Since this is much lower than the high-frequency value, we
now have a much higher dc loop gain and a much lower dc output error.

To avoid degrading @y, it is good practice! to position the second breakpoint of
the | | / B| curve about a decade below f>. To find the required value of C,, we observe
that at this breakpoint we have | Z¢,| = R¢,or 1/(2nCe f2/10) = R.. Solving gives

5
Ce =
°T AR h
where R is given in Eq. (8.30). Again, if ¢m 5#45° is desired, replace f with
S 1800

(8.31)

EXAMPLE 8.12. (a)-(d) Repeat Example 8.11, but using input-lag compensation.
(e) Estimate the actual value of ¢, after compensation. ( f) Confirm with PSpice.

Seolution.

(a) We have R, = 447.4 Q {use 430 Q) and C, = 5/(w447.4 x 3 x 10%) = 1.186 nF
(use 1.2 nF).

(b) Thedcnoisegainisnow 1/8y = 1+ Ry/R; =11 V/V,andapfy = 105/11 = 9091.

Hence, g = —100/9091 = —-0.011%.

(¢} Ej = HE; = 1} mV—quite an improvement!

(d) f-3as = 3 MHz, as before.

(e) As we approach the crossover frequency, 1/ behaves like a high-pass function, so
1/BGif) = 2440 f/0.1 /(1 + jf/0.1f3), with 0.1 f; = 300 kHz. The loop gain
T = af is then

- 4101 + jf/3 x 10%)
T SO+ GG X N0+ if/3 X 10NJUF/B % 109)]

Following Example 8.1, we find that {T{=1 for f=2.94 MHz, where LT =
—145.6". Thus, ¢, = 34.4", a reasonable value. If desired, it can be increased by

reducing R, and raising C..

)y -

Ry 22 Ry 1 R, 2
Wy
10k0 R, % 400 100 kG2 ok 4 g
Vl
44 4
= Cer 1_ 1.2nF = Cf]._ 1.2nF
FIGURE 8.26

PSpice circuit of Example 8.12.

-
(f) With reference to Fig. 8.26, we write the following file.

Input-lag compensation:

vi 10 a1y

*Main circuit:

Rl 1 2 10k

R2 2 3 100k

Re 2 4 430

Cc 4 0 1.2nF

“al0 = 100v/mv, f1 = 10kHx, f2 = JIMHE, f) = 10MH3:

m
SECTION 8.4
External
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Compensation

ea 3 0 Laplace [V(0,2}) = (1ES/{(1+8/630E2)*(1+8/18885)* (1+8/10886)))

*Circuit to plot 1/beta:
R2f 1 32 100k

R1f 22 0 10k

Ref 22 44 420

Ccf 44 0 1.2n7

.ac dec¢ 10 1kBx 100MegHx

.proba ja = V(3}/V{0,2), l/beta = V(1}/V(23), A = V(3}/V(1)

.end

The results of the simulation are shown in Fig, 8.27.

B TCIRTTTTee PP

-

e

o

PR S,

1 OkHz 100KH2 10MHz
° dB(V{3)/V(0.2)) » ﬂ(V(l)/V;nl) & dB(V(3}/¥(1)

requency

FIGURE 8.27
Frequency plots for the circuit of Fig. 8.26.
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Compared with internal compensation, the input-lag method allows for higher
slew rates as the op amp is spared from having to charge or discharge any in-
ternal compensating capacitance. The capacitance is now connected between the
inputs, so the voltage changes it experiences tend to be very small. However,
the settling-time improvement stemming from a higher slew rate is counter-
balanced by a long settling tail'® due to the presence of a pole-zero doublet at
fz and fp.

A notorious disadvantage of this method is increased high-frequency noise,
since the noise-gain curve is raised significantly in the vicinity of the crossover
frequency f;. Another disadvantage is a much lower closed-loop differential input
impedance Zy, since z4 is now in parallel with Z. = R, + 1/j2rnfC,, and Z, is
much smaller than z4. Though this is inconsequential in inverting configurations, it
may cause intolerable high-frequency input loading and feedthrough in noninverting
configurations.

Input-lag compensation is nevertheless popular. It is also used in connection
with constant-GBP op amps as an alternative to the capacitive-load isolation tech-
nique discussed in Section 8.2. We still apply Egs. (8.30) and (8.31), but with f;
replaced by f, = 1/2ar,Cr. An additional application of the input-lag method
is the stabilization of decompensated op amps, discussed at the end of this
section.

Feedbackl-Lead Compensation

This technique! uses a feedback capacitance C £ 10 create phase lead in the feedback
path. This lead is designed to occur in the vicinity of the crossover frequency fx,
which is where ¢, needs to be boosted. Alternatively, we can view this method as
a reshaping of the |1/B] curve near fy to reduce the rate of closure ROC. Refer-
ring to Fig. 8.284 and assuming ry =00 and r, =0, we have 1/8=1 + Z3/R\,

dB

L“
L+R, /R, |

—0 VY,
BO 0

(@ ()]

£ o)

FIGURE 8.28
Feedback-lead compensation.

Z2 = R2 || (1/j2x fC r). Expanding, we can write

! R\ 1 + jf/s
—_— =1+ =2 8.32
BUD ( +R1)|+jf/fp (®.32)

where fp = 1/2n RoCy and f; = (1+ Ra/Ry) fp. As depicted in Fig. 8.28b, |1/8]
has the low- and high-frequency asymptotes |1/80l = | + R2/Ry and |1/Bx| =
0 dB, and two breakpoints at fp and f;.

The phase lag provided by 1/B(;f) is maximum' at the geometric mean of fr
and fz, so the optimum value of C s is the one that makes this mean coincide with the
crossover frequency, or f, = pfr = f,,\/i + R3/R,. Under such a condition
we have |a(jfy)| = T+ sz%l, which can be used to find f, via trial and error.
Once fy is known, we find C¢ = 1/2n R, fp, or

VI+R/R,
n Ry fx

The closed-loop bandwidth is 1/25 R2C ¢ Moreover, C ;¢ helps combat the effect of
the inverting-input stray capacitance C,.

One can readily verify that at the geometric mean of f, and f; we have
L(/B)=90° — 2tan~ L /TF R;/K;, so the larger the value of | + R2/R), the
greater the contribution of 1/8 to ¢y, For example, with | + Ry/R} = 10 we get
4(1/8) = 90° — 2tan~ /10 = —55°, which yields &T =<a — (=55°) = <a +
55°. We observe that for this compensation scheme to work with a given ¢y, the
open-loop gain must satisfy <a(jf;) = ¢m — 90° — 21an~ ' /T+ K2/R;.

Cy= (8.33)

EXAMPLE 813. {a) Using an op amp withay = 10° V/V, f; = 1 kHz, f; = 100 kHz,
and f = 5 MHz, design a noninverting amplifier with Ay = 20 V/V. Hence, verify that
the circuit needs compensation. (b) Stabilize it with the feedback-lead method, and find
®m. (c) Find the closed-loop bandwidth.

Solution. i

(@) For Ap =20 V/V use Ry = 1.05 kQ and R; = 20.0kL2, Then Sy = 1720 V/V, and
apfo = 10°/20 = 5000. Thus, without compensation we have

5000
[+ N0 + JF0300+ J5/(5 x 109)]

Using trial and error as in Example 8.1, we find that |T| = 1 for f = 700 kHz, and
that <T'(j700 kHz) = —179.8°. So, ém = 0.2°, indicating a circuit in bad need of
compensation.

(b) Using again trial and error we find that |a} = v30 VIV for f = 1.46 MHz, and
a(j1.46 MHz) = —192.3°. Letting f, = 1.46 MHz in Eq. (8.33) yields C; =
24.3 pF. Moreover, ¢,, = 180° + la — (90° — 2 tan~ ' /20) = 180° 4 (— 192.3°) —
(90° — 2 x 77.4°) = 52.5°.

(€} fosp = 1/27R,C; = 327 kHz.

T(f) =

vam:ve obs'crve that feedback-lead compensation does not enjoy the slew-rate ad-
ges of input-lag compensation; however, it provides better filtering capabilities
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for internally generated noise. These are some of the factors the user needs to consider
when deciding which method is best for a given application.

Decompensated Op Amps

These op amps are compensated for unconditional stability only when used with
1/8 above a specified value, such as 1/8 > (1/B)min = 5V/V.or B < Bmax =
0.2 V/V. Consequently, they provide a constant GBP only for |a] > (1/8)min-
Being less conservatively compensated, decompensated op amps offer higher GBPs
and SRs. For instance, the fully compensated LF356 op amp uses C. = 10 pF to
provide GBP =5 MHz and SR =12 V/us for any |a| > | V/V. The LF357, its de-
compensated version, uses C. = 3 pFtoprovide GBP = 20MHzand SR = 50 V/us,
but only for |a| = 5 VIV.

We observe that the constraint 1/8 > (1/8)min need be satisfied only in the
vicinity of the crossover frequency; elsewhere we can shape the 1/8 curve as we
please. For instance, we can use input-lag compensation to operate a decompensated
op amp at values of 1/8 below (1/8)min while retaining the high-speed advantages
of decompensation. To this end, we still'use Eqs. (8.30) and (8.31), but with |a(j f2)|
replaced by (1/B)min. f2 replaced by Bmax x GBP, and R; replaced by Ry.

EXAMPLE 8.14. Figure 8.29 shows a common way of configuring a decompensated
op amp as a voltage follower. It is apparent that at low frequencies, where C, acts as an
open circuit, we have Ag = 1 V/V. (@) Given thal the 357 op amp is compensated for
(1/B)min = 5 V/V. specify suitable components to stabilize the circuit. (b) Find A(jf).

Solution.

(a) By Eq. (830), Re=R;/(5 — | — R;/oo)=R,/4. Let R.=3 k& and R, =
12 k. Also, fy = Brmax X GBP=(1/5) x 20=4MHz, so C. =5/(x x 3 x 10* x
4 % 10%) = 133 pF (use 130 pF).

(b)) AGH =1/ 4 jf/(4 MH2)) VIV,

dB

20

[ (dec)

() (2]

FIGURE 8.29
Configuring a decompensated op amp as a unity-gain voltage follower.

8.5
STABILITY IN CFA CIRCUITS!®

The open-loop response z(jf) of a current-feedback amplifier (CFA) is domi-
nated by a single pole only over a designated frequency band. Beyond this band,
higher-order roots come into play, which increase the overall phase shift. When
frequency-independent feedback is applied around a CFA, the latter will offer uncon-
ditional stability with a specified phase margin ¢, only aslong as 1/8 > (1/B)min =
1z{j f¢..—180°)|, where fy__ 150 is the frequency at which &z = ¢, — 180°. Lower-
ing the 1/8 curve below (1/8)min would increase the phase shift, thus eroding ¢,
and inviting instability. This behavior is similar go that of decompensated op amps.
The value of (1/8)min can be found from the data-sheet plots of |z(jf)| and <z(jf).
As with voltage-feedback amplifiers (VFAs), instability in CFA circuits may also
stem from feedback phase lag due to external reactive elements.

Effect of Feedback Capacitance

To investigate the effect of feedback capacitance, refer to Fig. 8.30a. At low fre-
quencies, C s acts as an open circuit, so we can apply Eq. (6.58) and write 1/fp =
Ry + ra(1 + R2/Ry). At high frequencies, R; is shorted out by Cy, 50 1/ =
1/Bolr,—0 = ra. Since 1/B0c < 1/ o, the crossover frequency fy is pushed into
the region of greater phase shift, as shown in Fig. 8.30b. If this shift reaches — 180°,
the circuit will oscillate.

We thus conclude that direct capacitive feedback must be avoided in CFA cir-
cuits. In particular, the familiar inverting or Miller integrator is not amenable to CFA
implementation, unless suitable measures are taken to stabilize it (see Problem 8.44),
However, the neninverting or Deboo integrator is acceptable because 8 in the vicin-
ity of f; is still controlled by the resistance in the negative-feedback path. Likewise,
we can readily use CFAs in those filter configurations that do not employ any direct
capacitance between the output and the inverting input, such as KRC filters.

VIA (dec)
¢
ik
LA 2
R, R,
A I W \——+

B

(a) thy

f (dec)

FIGURE 8.30
A large feedback capacitance C tends to destabilize a CFA circuit.
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Stray Input Capacitance Compensation

In Fig. 8.31a C,, appears in parallel with R). Replacing Ry with Ry || (1/j2%fC,)
in Eq. (6.58) yields, after minor algebra,
1

%(1 + jfif) (8.34a)
1 _»z

Rz) 1
(14 R = 33
o 2T ( ) e mmamime &

As shown in Fig. 8.31b, the 1/ curve starts to rise at f;, and if C, is sufficiently
large to make f, < fy, the circuit will become unstable.

-

i

< VIA (dec)

B

6o |

FIGURE 8.31
Input stray capacitance compensation in CFA circuits.

Like a VFA, a CFA is stabilized by counteracting the effect of C,, with a small
feedback capacitance C . Together with R3, C ¢ creates a pole frequency for 1/
al fp=1/2nRCy. For ¢y = 45°, impose fp = f;. We observe that fy is the
geometric mean of f, and Bozo fp. Letting 1/2n R2C ¢ = /Bozafb J; and solving,
we get

Cr = rCp/2n Raz0 fp (8.35)

A typical application is when a CFA is used in conjunction with a current-output
DAC 10 perform fast I-V conversien, and the stray capacitance is the combined result
of the DAC output capacitance and the CFA input capacitance.

EXAMPLE 815. A current-output DAC is fed to a CFA having zo0 = 750k, f;, =
200kHz, and r, =50 2. Assuming R; = 1.5k and C,, = 100 pF, find C for ¢, = 45°.
Verify with PSpice.

Solution. €/ = /50 x 100 x 10-'2/(2x % 1.5 x 10° x 1.5 x 101") = 1.88 pF. This
value can be increased for a greater phase margin, but this will also reduce the bandwidth
of the I-V conventer.

C
N
= ry
b—0 vp
i 3
FIGURE 8.32

PSpice circuit of Example 8.15.

Referring to Fig. 8.32 and using the CFA subcircuit of Example 6.17, we write the
following circuit file. .

I-V converter using a CPA:
.subckt CPA YP V¥ vO

ein 1 0 vP 0 2

m1250

v82vWdac 0

fCPA 0 3 v8 1
"Req 3 0 750k

Ceq 3 0 1.061pF

sout v0 0 3 0 1

.ends CPA

*Main ¢ircuit:

1I 1 0 ac 1mA pulge(0 1mA 0 0.1ns 0.1ns 50ns 100ns)
v 214dc 0

cn 2 0 100pF '
R2 23 1.5k

Cf 23 1.08pF

X1 023 CrA

sCircuit to plot 1/beta:

htest & 0 vs 1k

R2f 4 5 1.5k

cff 4 5 1.86prF

Caf 5 0 100pr

rnf 5 0 50

*circuit to plot x:

X2 467Cr

Re 6 0 100

RL 7 0 1Meg

.ac dec 100 1MegHs 1GHs

.tran 1ns 50ns '
.probe ;A = V{3)/I(Vs), = = V(7}/I(Rs), 1l/bata = V(4)/I(xnf), vO = v(3)

+end

The results of the simulation are shown in Fig. 8.33.

i
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FIGURE 8.33
Frequency and transient responses of the circuit of Fig. 8.32.

8.6
COMPOSITE AMPLIFIERS

Two or more op amps can be combined to achieve improved overall performance.!”
The designer need be aware that when an op amp is placed within the feedback loop
of another, stability problems may arise. In the following we shall designate the gains
of the individual op amps as a; and az, and the gain of the composite device as a.

Increasing the Loop Gain

Two op amps, usually from a dual-op-amp package, can be connected in cascade
to create a composite amplifier with a gain a = ajaz much higher than the indivi-
dual gains a) and a;. We expect the composite device to provide a much greater
loop gain, and thus a much lower gain error. However, if we denote the individual
unity-gain frequencies as fy) and f,2, we observe that at high frequencies, where g =
arax = (fu /i) fi2/if) = — fi1 fra/ f1. the phase shift of the compasite response
approaches — [80°, thus requiring frequency compensation.

. £ (dec)
5| &
it
(a) » (b)

FIGURE 8.34
Composite amplifier with feedback-lead compensation.

In applications with sufficiently high closed-loop dc gains, the composite am-
plifier can be stabilized via the feedback-lead method'® shown in Fig. 8.34a. As
usual, the circuit can be either an inverting or a noninverting amplifier, depending on
whether we insert the input source at node A or B. The decibel plot of |a] is obtained
by adding together the individual decibel plots of |a}| and |a3). This is illustrated in
Fig. 8.34b for the case of matched op amps, or a; = a3.

As we know, the 1/8 curve has a pole frequency at fp = 1/2x RyC s and a zero
frequency at f; = (1 + Ra/Ry) f. For ROC = 30 dB/dec, or ¢ = 45°, we place
fp right on the a| curve. This yields 1 + R2/Ry = laGifp}l = fu1 fra/f}. Solving
for fp and then letting C¢ = | /21 Ry fp gives

Cr= (1 + Ry/R)/fr1 fra/ 2 Ry (8.36)

The closed-loop bandwidth is fg = f,. It can be shown (see Problem 8.46) that
increasing C' s by the factor (1 + R/ R1)!/4 will make the crossover frequency f,
coincide with the geometric mean /) f; and thus maximize gm; however, this will
also decrease the closed-loop bandwidth in proportion.

EXAMPLE 8.16. (a) The circuit of Fig. 8.34a is to be used as a noninverting amplifier
with Ry = | kf2 and R; = 99 k. (@) Assuming op amps of the 741 type, find C; for
bm = 45°. Then compare ¢,,, Ty, and f5 with. the case of a single-op-amp realization.
(b) Find C; for the maximum phase margin. What are the resulting values of ¢,, and
fp?{(c) What happens if C; is increased above the value found in (5)?

Selution.

(a) Insert the input source at node B. Letting £, = fi2 = | MHz in Eq. (8.36) gives
€y = 16.1 pF for ¢ = 45°. Moreover, Ty = a3/100 = 4 x 1%, and f5 = f, =
100 kHz. Had a single op amp been used, then ¢, = 90°, Ty = ap/100 = 2 x 10°,
and fz = 105/100 = 10 kHz.

h) C = (100)'/* x 16.1 = 50.8 pF, f, = 31.62 kHz, ¢ = 180° + Sa — (1/B) =
180° - 180° — [tan™ ' (£ /f,) —tan™ " (f,/f»)] = —(tan ' 0.1 —tan="' 10) = 7B.6°.

(¢) Increasing C above 50.8 pF will reduce ¢, until eventually ¢,, — 0°, indicating
that overcompensation is detrimental.
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FIGURE 8.35
Composite amplifier with compensation provided by OA».

In Fig. 8.34 we have stabilized the composite amplifier by acting on its feed-
back network. An alternative'® type of compensation is by controlling the pole of
the second op amp using local feedback, in the manner depicted in Fig. 8.35. The
composite response a = gy Az has the dc gain ap = ap (1 + R4/ Ry), and two pole
frequencies at fpy and at fga2 = fi2/(1 4+ Rs/R3). Without the second amplifier,
the closed-loop bandwidth would be fg1 = f;1/(1+R2/R)). With the second ampli-
fier in place, the bandwidthisexpandedto fg = (1+ Re/ R3) fg1 = fri (1+ Ra/ R3)/
(1 + Ry/Ry). 1t is apparent that if we align fg and fg7, then ROC = 30 dB/dec, or
¢m = 45°. Thus, imposing f;1(1+ Re/R3)/(1+ R2/R1) = fr2/(1+ Ra/ Ry) yields

1+ Ra4/R3 = V(fia/fi)(1 + Ra/ RY) (8.37)

We observe that for the benefits of using OA; to be significant the application must
call for a sufficiently high closed-loop gain.

EXAMPLE 817. (a) Assuming op amps of the 741 type in the circuit of Fig. 8.35a,
specify suitable components for operation as an inverting amplifier with a dc gain of
—100 V/V, Compare with a single-op-amp realization.

Solution. Insent the input source at node A and let Ry = 1 kG and R; = 100kQ. Then,
Ri/R3 = /101 — 1 =9.05. Pick R; = 2 kQ and Ry = 18 kQ. The dc loop gain
is Ty = aye(l + Ra/R3)/(1 + R2/R)) = 2 x 10*, and the closed-loop bandwidth is
fs = £,/10 = 100 kHz. If only one op amp had been used, then ¢, = 90°, Tp = 2x 10°
and fp = 10kHz, indicatisg an order-of-magnitude improvement brought about by the
second op amp.

Optimizing dc and ac Characteristics

There are applications in which it is desirable to combine the dc characteristics of
a low-offset, low-noise device, such as a bipolar voltage-feedback amplifier (VFA),
with the dynamics of a high-speed device, such as a current-feedback amplifier
(CFA). The two sets of lechnologically conflicting specifications can be met with a
composite amplifier. In the topology of Fig. 8.36a we use a CFA with local feedback

aipAy

Lg VR

Ax .A%,
2 A
I S Al
] [ dec)

FIGURE 8.3¢
VFA-CFA composite amplifier.

to shift the ja;]gg curve upward by the amount |A3|dg, and thus improve the dc
loop gain by the same amount. As long as fx2 > fi), the phase shift due to the pole
frequency at f = fgo will be insignificant at f = f, indicating that we can operate
the VFA with a feedback factor of unity, or at the maximum bandwidth f;}. Imposing

14 Re/Ry =1 + Ra/Ry (8.38)

will maximize also the closed-loop bandwidth fp of the composite device, which
isnow fp = fi1.

The composite topology offers important advantages other than bandwidth.
Since the CFA is operated within the feedback loop of the VFA, its generally poorer
input dc and noise characteristics becomie insignificant when referred to the input
of the composite device, where they are divided by a;. Moreover, with most of the
signal swing being provided by the CFA, the slew-rate requirements of the VFA are
significantly relaxed, thus ensuring high full-power bandwidth (FPB) capabilities
for the composite device. Finally, since the VFA is spared from having to drive the
output load, self-heating effects such a8 thermal feedback become insignificant, so
the composite device retains optimum input-drift characteristics.

There are practical limitations to the amount of closed-loop gain achievabie with
a CFA. Even so, it pays to use a CFA as part of a composite amplifier. For instance,
suppose we need an overall d¢ gain Ag =10 V/V, but using a CFA having only
Az =50 V/V. Clearly, the VFA will now have 1o operate with a gain of Ay/50 =
20 V/V and a bandwidth f;) /20. This is still 50 times better than if the VFA were
10 operate alone, not to mention the slew-rate and thermal-drift advantages.

In the arrangement of Fig. 8.36a the composite bandwidth is set by the VFA, so
the amplification provided by the CFA above this band is in effect wasted. The alter-
native topology of Fig. 8.37 exploits the dynamics of OA3 to their fullest extent by
allowing it to participate directly in the feedback mode, but only at high frequencies.
The circuit works as follows.

] At dc, where the capacitances act as opens, the citcuit reduces to that of
Fig. 8.34a, 50 ag = a,9a29. Clearly, the dc characteristics are set by OAy, which
provides OA; with whatever drive is needed to force V, — Vps;. Moreover, any
Bross bias current at the inverting input of OA; is prevented from disturbing node
Va because of the dc blocking action by C;.
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FIGURE 8.37

Composite amplifier enjoying the dc characteristics of OA, and the ac
characteristics of OA;.

As we increase the operating frequency, we witness a gradual decrease in 04 |’s
gain Ay = ~1/(Gf/f1). i = | /2x R3C), while the crossover network C; R4 gradu-
ally changes the mode of operation of OA3 from open-loop to closed-loop. Above the
crossover nelwork frequency f2 = 1/2m R4C3 we canwrite V, = a3(A )V, — V), 0r

~__ %0 1+ifin,
V+jifife ifih "

iy =
It is apparent that if we impose f| = fp2, or R3C| = 1/2n f), then we abtain a
pole-zero cancellation and V,, = —aV,, a = ay/(if/fi) = awfu/if = a3,
indicating that the high-frequency dynamics are fully controlled by OA3.

In a practical realization the zero-pole cancellation is difficult to maintain be-
cause fp is an ill-defined parameter. Consequently, in response to an input step, the
composite device will not completely stabilize until the integrator loop has settled to
its final value. The resulting settling tail may be of concern in certain applications.

Improving Phase Accuracy

As we know, a single-pole amplifier exhibits an error function of the type !/(1 +
1/T) = 1/(1 + jf/fB). whose phase erroris €y = —lan"(f/fs),ore,,; =-—f/fa
for f « fp. This error is intolerable in applications requiring high phase accuracy.
In the composite arrangement?? of Fig. 8.38, OA provides active feedback around
OA1 to maintain a low phase error over a much wider bandwidth than in the uncom-
pensated case. This is similar to the active compensation of integrators of Section 6.5.

To analyze the circuit, let 8 = R} /(R + Ry)anda = R3/(R3+ R4). We note that
OAj is anoninverting amplifier with gain Ay = (1/8)/(1 +jf/Bf2). Consequently,
the feedback factor around OA, is ) = B x Aa x e = /(1 + jf/Bfi2).

The closed-loop gain of the composite device is A = A} =a; /(1 +a; §;), where
we are using the fact that OA | too is operating in the noninverting mode. Substituting
a) = fii/jf and By = /(| + jf/Bfi2), and letting f;1 = f;2 = fi, we obtain, for

o=4,

1+ jf/fs

if = A
AUD = At e = (FIfa)

(8.39

FIGURE 8.38
Composite amplifier with high phase accuracy.

where Ag = |+ Ry/R| and fg = f;/Ap. Asdiscussedin Section 6.5, this error func-
tion offers the advantage of a very small phase error, namely, €p = —an~t(f/fp)>,
or€g = —(f/fg)’ for f <« fa.

Figure 8.39 (top) shows the results of the PSpice simulation of a composite
amplifier with Ag=10 V/V using a matched pair of 10-MHz op amps, so that

' Phase of siwple q-

Phase of composite smp

losed-loop gain

FIGURE 8.39
Frequency plots of the circuit of Fig. 8.38.
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fg = 1 MHz. For instance, at 1/10 of fg, or 100 kHz, the composite circuit gives
€4 = —0.057°, which is far betier than €5, = —5.7° for a single-op-amp realization.

The stability situation, shown in Fig. 8.39 (bottom), reveals a rise in the |1/8}
curve because of the feedback pole introduced by OA; at f = Bf2. This frequency
is high enough not to compromise the stability of OA|, yet low enough to cause
a certain amount of gain peaking: this is the price we are paying for the dramatic
improvement in the phase-error characteristic!

PROBLEMS

8.1 The stability problem -

8.1 An op amp with ap = 1P VIV and two pole frequencies at f, =100 kHz and f; =
2 MHz is vonnectest w o units-gain voltage follower. Find ¢, £, O, GP, OS, and
A(f). Woulit . = b use for this circuit?

8.2 Anamplifier has thice idenucal pole frequencies so that 2(j f) = ao/(1+ jf/ fi)?, and
is placed in a negative-feedback loop with a frequency-independent feedback factor .
Find an expression for f_ 4 as well as the corresponding value of T.

8.3 (a) Verify that a circuit with a dc loop gain 7o = 107 and three pole frequencies ai
fi = 100kHz, f; = 1 MHz, and f3 = 2 MHz is unstable. () One way of stabilizing it
is by reducing 7o. Find the value to which Ty must be reduced for ¢, = 45°. () Another
way of stabilizing it is by rearranging one or more of its poles. Find the vatue to which
£, must be reduced for ¢,, = 45°. (d) Repeat parts (b) and (c), but for ¢ = 60°,

8.4 An amplifier with a(jf) = 1031 + jf/10%/[(1 + jf/10) x (1 + jf/10D)] VIV is
placed in a negative-feedback loop with frequency-independent B. (a) Find the range
of values of g for which ¢,, > 45°. (b) Repeat, but for ¢, > 60°. (c) Find the value of
B that minimizes ¢,,. What is @,,¢miny?

8.5 Two negative-feedback systems are compared at some frequency f,. If it is found that
the firsthas T (jf;) = 10 /—180° and the second has T (j f1) = 10 /--90°, which system
enjoys the smaller magnitude error? The smalier phase error?

8.6 The response of a negative-feedback circuit with 8 = 0.1 V/V is observed with the oscil-
loscepe. For a 1-V input step, the output exhibits an overshoot of 12.6% and a final value
of 9 V. Moreover, with an ac input, the phase difference between output and input reaches
90° for f = 10 kHz. Assumjpg a 2-pole error amplifier, find its open-loop response.

8.7 As mentioned, the rate-of-closure considerations hold only for minimum-phase sys-
tems. Verify by comparing the Bode plots of the minimum-phase function H (s} = (¥ +
/20 10%)/[(1 + s/2m10)(1 4 s/2n10%)) with those of the function H(s)=(1~—
s/2n 10010 + s/20 1004 + 5/27 10?)], which is similar to the former, except that
its zero is located in the right half of the complex plane.

8.8 Repeat the PSpice simulation of the circuit of Fig. 8.5, but for the case in which the
loop is broken at the inverting-input pin. Hence, compare the results with Fig. 8.6.

8.9 Assuming idea! op amp, derive an expression for the loop gain of the equal-compoﬂef“
KRC filter of Example 3.8. Hence, discuss the stability of the circuit. What is its gai
margin?

8.2 Stability of constant-GBP op amp circuits

8.10 The response of an unconditionally stable op amp can be approximated with a dominunt
pole frequency f, and a single high-frequency pole f1 10 account for the phase shift due
to its higher-order roots. (@) Assuming @y = 10° V/V, f, = 10 Hz,and § = | V/V, find
the actual bandwidth fz and phase margin ¢,, if f> =1 MHz. (M) Find f; for ¢, = 60°;
what is the value of fp? (¢) Repeat (b), bul for ¢, = 45°.

8.11 Anopamp witha(jf) = 10° /(! + jf/10) is placed in a negative-feedbuck loop with
BUS)=Bo/(1 + jf/10°)2. Find the values of By corresponding to (a) the onset of
oscillatory behavior, (b) ¢, = 45°, and (¢) GM = 20 dB.

8.12 A Howland current pump is implemented with a constant-GBP op amp and four identi-
cal resistances. Using rate-of-closure reasoning, show thal as long as the load is resistive
or capacitive the circuit is stable, but can become unstable if the load is inductive. How
would you compensate it?

8.13 Specify R; in the differentiator of Example 8.2 for ¢,, = 60°. Hence, derive an expres-
sion for H(jf). What is the value of Q7

8.14 An alternative frequency compensation method for the differentiator of Fig. 8.84 is by
means of a suitable feedback capacitance C; in parallel with R. Assuming C = 10 oF,
R =787k, and GBP = | MHz, specify C for ¢,, = 45°.

8.15 The noninverting differentiator of Fig. P3.2 uses an op amp with GBP = { MHz. If
R = 78.7 k2 and C = 10 nF, verify that the circuit needs compensation. How would
you stabilize it?

8.16 (a) Show that the circuit of Fig. 8.10a gives A= —Ry/R| x Hyp, where Hip is the
standard second-order low-pass response defined in Eq. (3.44) with fo = /B, f; f. and
Q = /Bofi/f:/ (1 + Bofi/ fp). (b} Find Q in the circuit of Example 8.3 before com-
pensation. (c) Compensate the circuit for ¢, = 45°, and fiad Q afier compensation.

8.17 Inthe cifcuit of Example 8.3 find C for ¢, = 60°; hence, eaploit Problem 8.16 to find
A(jf), GP, and OS.

8.18 An alternative way of stabilizing a circuit against stray input capacitance C, is by scal-
ing down all resistances to raise f, until f, > f..(a) Scale the resistances of the circuit
of Example 8.3 so that with C; = 0 the circuit yields ¢, = 45°. (b) Repea, but for
¢m = 60°. (c) What is the main advaniage and disadvantage of this technique?

8.19 The high-sensitivity -V converter of Fig. 2.2 uses R = 1M, R, = 1k, R, = 10kQ,
and the LF351 JFET-input op amp, which has GBP = 4 MHz. (a) Assuming an overall
input stray capacitance C, = 10 pF, show that the circuit does not have enough phase
margin. (b) Find a capacitance C '+ that, when connected between the output and the
inverting input, will provide neutral compensation. What is the closed-loop bandwidth
of the compensated circuit?

8.20 Using the op amp data of Example 8.5, find the maximum C; that canbe connected to the
output of the circuit of Fig. 8.14a and still allow for ¢,, > 45°if (2) R| = R; = 20kL2,
() Ry =2k, R, = 1BKR, (c) R| = 00, Ry = 0. (d) Repeat (c), but for ¢, > 60°.
821 Using PSpice, check the frequency and transient response of the circuit of (a) Exam-
ple 8.4 and (b) Example 8.5.
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8.22 Using the op amp data of Example 8.5, design an amplifier with Ag = +10 V/V, under
the constraint that the sum of all resistances be 200 kS2, and that it be capable of driving
a 10-nF load. Then use PSpice (o verify its frequency and transient responses.

8.23 Modify the circuit of Example 8.5 for unity-gain voltage-follower operation. Then use
PSpice to find GP and OS.

8.24 Assuming constant-GBP op amps, use linearized Bode plots to investigate the stability
of {a) the wideband band-pass filter of Fig. 3.11, () the multiple-feedback low-pass
filter of Fig. 3.32, and (c) the -KRC low-pass filter of Problem 3.27.

8.25 (a) Assuming the op amp has a constant GBP of i MHz, discuss the stability of the
multiple-feedback band-pass filter of Fig. 3.31, and verify with PSpice. (b) Repeat, r
but for the -KRC band-pass filter of Problem 3.28 for the case R, = R; = 1.607 kQ,
kR, = 1.445 M8, and C, = C; = 3.3 nF.

8.3 Internal frequency compensation

8.26 Find f4 tostabilize the 11 A702 op amp of Example 8.6 for a noninverting gain of 10 V/V
with (@) ¢ = 60°, (b) GM = 12 dB,'(c) GP = 2 dB, (d) OS = 5%.

8.27 A voltage comparator is a high-gain amplifier intended for open-loop operation. Fig-
ure P§.27 shows a way of configuring such a device as a voltage follower. () Assuming
a two-pole device with ap = 10° V/V, f; =1 MHz, and f, = 10 MHz, use rate-of-
closure reasoning to show that the circuit can be stabilized by making the product RC
sufficiently large. (b) Assuming a FET-input device, specify R and C for ¢,, = 45°.
(c) Estimate the small-signal bandwidth.

FIGURE P8.27

8.28 An amplifier has @y = 10* V/V, a dominant-pole frequency f, = 1 kHz, and an ad-
justable higher-order pole frequency f;. Find 8 and f; for a maximally flat closed-loop
respanse with a dc gain of 60 dB. What is the —3-dB frequency?

8.29 In Fig. P8.29 three CMOS inverters are cascaded to create a rudimentary op amp,
which. in turn, is configured as an ac-coupled inverting amplifier with a closed-loop
gain of —100 V/V. (¢) Assuming @ = a; = a3 = —102/(1 + jf/10°%), show that
with R; = C, = 0 the circuit is unstable. (b) Specify suitable values for R, and C, to

provide dominant-pole stabilization with ¢, = 45°.

8.30

831

8.32

833
8.4

FIGURE P§.29

Referring to Fig. 8.20a, apply KCL atnodes ¥, and V5, and then eliminate V; to find an
expression for the transfer function V3/ V. Hence, prove Egs. (8.24) and (8.25). Hint:
Given two characteristic frequencies fi and f; such that f; < f,, you can approximate

A+ if/MA+ifif) U+ I - A A

For the op amp of Example 8.9a calculate the actual values of f; and ¢,, after compen-
sation. Then verify that the effect of the zero f; is to reduce the phase margin by 9°.

(a) Anop amp has a dominant pole at s = —2x f), and two additional poles ats = —-2x f5
ands = —2n fy, f; = 10x GBP. Show that for ¢,, > 60° we must have f; > 2.2xGBP.
(b) An op amp has a dominant pole at s = —2x f,, a second pole at s = —2x f5, and
azero at s = 427 f,, f; = 10 x GBP. Show that for ¢, > 45° we must have
f> 1.2 x GBP.

Prove Eqs. (8.26) and (8.27). Use the hint of Problem 8.30.

Use PSpice to verify the pole-zero compensation scheme of Example 8.10. Show both
the frequency and transient responses.

8.4 External frequency compensation

8.35

8.36

The op amp of Example 8.11 is configured as a unity-gain inverting amplifier with two
100-kQ resistances. Use input-lag compensation to stabilize it for ¢, = 45°. Hence,
find A(j f).

In Fig. P8.36 let Ry = R; = Ry = 100 k2, Ry = 10 k2, and let the op amp have
apg = WO VIV, fy = 10 kHz, f; = 200 kHz, and fy = 2 MHz. (a) Verify that the
circuit is unstable. (b) Use input-lag compensalion to stabilize it for ¢,, = 45°. (¢) Find
the closed-loop bandwidth after compensation.

R R, ”

FIGURE P3.36
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8.37 Use the input-lag technique to compensate the capacitively loaded amplifier of
Example 8 5.

8.38 The OPA637 op amp of Fig. P8.38 is a decompensated amplifier with SR = 135 V/us
and GBP = 80 MHz for 1/8 > 5 V/V. Since the op amp is not compensated for unity-
gain stability, the integrator shown would be unstable. (a) Show that the circuit can be
stabilized by connecting a compensation capacitance C.. as shown, and tind a suitable
value for C, for ¢, = 45°. (b) Obtain an expression for H{jf) after compensation
and indicate the frequency range over which the circuit behaves reasonubly well as an
integrator.

OPA637

FIGURE P8.38

8.39 An op amp with GBP = 6 MHz and r, = 30 Q is to operate as a unity-gain voltage
follower with an output load of 5 nF. Design an input-lag network to stabilize it. Then
verify its frequency and transient responses via PSpice.

8.40 Using a decompensated op amp with GBP = 80 MHz and Sy = 0.2 V/V, design a
unity-gain inverting amplifier, and find A(j f).

8.41 Using an LE357 decompensated op amp, which has GBP =20 MHz and fou =
0.2 V/V, design an /-V converter with a sensitivity of 0.1 V/uA under the follow-
ing constraints: () no compensation capacitances are allowed, and (b) the closed-loop
bandwidth must be 1naimized. Then find an expression for A(jf).

8.42 Anop amp withag = 10°% V/V and two coincident pole frequencies f) = f, = 10Hz is
configured as an inverting amplifier with R) = 1kQand R; = 20kQ. (a) Use feedback-
lead compensation to stabilize it for ¢ = 45°; then find A(jf). (b) Find the value of
Cy that will maximize ¢, ; next find ¢, as well as the corresponding closed-loop band-
width.

8.43 The wideband band-pass filter of Example 3.5 is implemented with an op amp having
ap = 10° V/V and two pole frequencies f = 10 Hz and f; = 2 MHz. Skeich the Bode
plots of |a| and |1/8] in the vicinity of f; and find @y,

8.5 Stability in CFA circuits
8.44 The CFA integrator of Fig. P8.44 uses a series resistance Rz between the summing

junction and the inverting-input pin to ensure 1/8 > {1/8)mi, over frequency and thus
avoid instability problems. (a) Investigate the stability of the circuit using Bode plots.

(b) Assuming the CFA parameters of Problem 6.57, specify suitable components for -

fo = 1 MHz. (c) List possible disadvantages of this circuit.

t

Ry

= CFA —o v,

‘:r_‘l’

FIGURE P8.44

8.45 The CFA of Problem 6.57 is 1o be used to design a Butterworth band-pass filter with
fo = 10 MHz and Hogp = 0 db, and two alternatives are being considered, namely, the
multiple-feedback and the KRC designs. Which configuration are you choosing, and
why? Show the final circuit.

8.46 (a) Show that without C the CFA -V convener of Fig. 8.32 yields V,,/; = Ry Hyp,
where Hjp is the standard second-order low-pass response defined in Eq. (3.44) with
Jo = (zofo/2nr, R2Cp)' 2 and Q = 24 fu/(ra + R2) fo- (b) Predict the GP and OS for
the circuit of Example 8.15 before compensation.

8.47 A certain CFA has r, = 50 Q2 and an open-loop dc gain of | V/uA, and its frequency
response can be approximated with two pole frequencies, one at 100 kHz and the other
at 100 MHz. The CFA is to be used as a unity-gain voltage follower. (a) Find the feed-
back resistance needed for a phase margin of 45°; what is the closed-loop bandwidth?
() Repeat, but for a 60° margin.

8.6 Composite amplifiers

8.48 (a) With reference to the circuit of Fig. 8.34a, show that ¢,, is maximized for C; =
(1 + Ry/ROY/121 Ra(fi1 fi2)V2]. (b) Show that fOr @mmaxy > 45° we must have
14+ R2/ R, = tan? 67.5° = 5.8. () Assuming 74 op amps, specify suitable component
values for operation as an inverting amplifier with Ay = —10 V/V and maximum phase
margin. Hence, find the actual values of ¢,, and A(j f).

8.49 (a) Compare the circuit of Example 8.16 with a circuit implemented by cascading two
amplifiers with individual d¢ gains Ao = Ay = /[Ae] V/V. (b) Repeat, but for the
circuit of Example 8.17.

8.50 An alternative 10 Eq. (8.37)is | + Re/Rs = VO T R:JRD/2, where we have assumed
fit = fiz. (@) Verify that this alternative yields ¢,, = 65°. (b) Apply it to the design of a
composite amplifier with de gain Ag = —50 V/V. (c) Assuming f;) = f2 = 4.5 MHz,
find A(jf).

8.51 Inthe camposite amplifier of Fig. 8.37 assume G4, has aip = 100 V/imV, f,; = | MHz,
Vosi = 0, and I, = 0, and OA; has ax = 25 V/mV, f;; = 500 MHz, Vgs = 5 mV,
and [y = 20 uA. Specify suitable components for Ag = — 10 V/V, undes the constraint
J2 = 0.1 . What is the output dc error E¢ and the closed-loop bandwidth fg?

852 For the circuit of Problem 8.51 find the total rms output noise E,, if en, = 2 nV/v/Hz,
I = 05 pA/VHz, ey = 5nV/v/Hz, and iy = 5 pA/vHz. Ignore 1/f noise. Can
you reduce E,,?
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8.53 (a) Find ¢,,, GP, and OS for the composite amplifier of Fig. 8.38. (b) Find its 1°

phase-error bandwidth, and compare it with that of a single-op-amp realization with
the same value of A, as weil as with that of the cascade realization of two amplifiers
with individual dc gains \/A.

8.54 The active-compensation scheme of Fig. P8.54 (see IEEE Trans. Circuits Syst., vol.

CAS-26, Feb. 1979, pp. 112-117) works for both the inverting and the noninverting
mode of operation of OA,. Show that V, = [(1/8)V; + (1 — I/WVi1/(1 + 1/T),

VA +1/TY = (0 + jf/Bfid/ U+ jf1Bfu — fHBfuBrfin), B = Ri/(Ri + Ry,
B2 = R3/(Ry + Ry).

Ry

4 R,

FIGURE P8.54

8.55 Apply the scheme of Problem 8.54 to the design of a high-phase-accuracy (a) voltage

follower, (5) I-V converter with a sensitivity of 10 V/mA, and (c) difference amplifier
with a dc gain of 100 V/V. Assume matched op amps with f, = 10 MHz.
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NONLINEAR CIRCUITS

9.1 Voliage Comparators

9.2 Comparator Applications

9.3 Schmitut Triggers

9.4 Precision Rectifiers

9.5 Analog Switches

9.6 Peak Detectors

9.7 Sample-and-Hold Amplifiers
Problems
References

Al circuits encountered so far are designed to behave linearly. Linearity is achieved
by (a) using negative feedback to force the op amp to operate within its linear region
and (b) implementing the feedback network with linear elements.

Using a high-gain amplifier with positive feedback, or even with no feedback
at all, causes the device to operate primarily in saturation. This bistable behavior
is highly nonlinear and forms.the basis of voltage-comparator and Schmitt-trigger
circuits.

Nonlinear behavior can also be achieved by implementing the feedback network
with nonlinear elements, such as diodes and analog switches. Common examples
include precision rectifiers, peak detectors, and sample-and-hold amplifiers. Another
class of nonlinear circuits exploits the predictable exponential characteristic of the
BIT to achieve a variety of nonlinear transfer characteristics, such as logarithmic
amplification and analog multiplication. This category of nonlinear circuits will be
investigated in Chapter 13.
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9.1
VOLTAGE COMPARATORS

The function of a voltage comparator is to compare the voltage v p atone of its inpuls
against the voltage vy at the other, and output either a low voltage Vo or a high
voltage Vou according to

vo = Vor forvp <vy 9.1q)
vo = You forvp>vy (9.15)

As shown in Fig. 9.1a, the symbolism used for comparators is the same as for op
amps. We observe that while v p and v y are analog variables because they can assume
acontinuum of values, v g is a binary variable because it can assume only one of two
values, VoL or Vo It is fair to view the comparator as a one-bit analog-to-digital
converter.

vo(V)

Yeo Vou

PO ¥ 0
vy |CMP v ——t v
¥y O] 0
— VYo
Vee
) [£2)]

FIGURE 9.1

Voltage-comparator symbolism and ideal VTC. (All node
voltages are referenced to ground.)

Introducing the differential input voltage vp = vp — vy, the above equations
can also be expressed as vg = VoL forvp < 0V,and vy = Voy forvp > 0V. The
voltage transfer curve (VTC), shown in Fig. 9.15, is a nonlinear curve. At the origin,
the curve is a vertical segment, indicating an infinite gain there, or vy fvp = 00. A
practical comparator can only approximate this idealized VTC, with actual gains
being typically in the range from 10% 10 10® V/V. Away from the origin, the VTC
consists of two horizontal lines positioned at v = Vor and v = Vou. These levels
need not necessarily be symmetric, though symmetry may be desirable in certain
applications. All that matters is that the two levels be sufficiently far apart to make

t‘l;eir distinction reliable. For example, digital applications require Vo, = 0 V and
OH=S5V.

The Response Time

Inhigh-speed applications itis of interest to know how rapidly a comparator responds
as the .input state changes fromvp < vy to vp > vy, and vice versa. Comparator
speed is characterized in terms of the response time, also called the propagation delay
*PD, defined as the time it takes for the output to accomplish 50% of its transition in
Tesponse to a predetermined voltage step at the input. Figure 9.2 illustrates the selup
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(a) (&)

FIGURE 9.2
The response time of a comparator.

for the measurement of tpp. Though the input step magnitude is typically on the
order of 100 mV, its limits are chosen to barely exceed the level required to cause the
output to switch states. This excess voltage is called the input overdrive Voq, with
typical overdrive values being 1 mV, 5 mV, and 10 mV. In general 1pp decreases
with Vyq. Depending on the particular device and the value of Vg, tpp can range
from a few microseconds to a few nanoseconds.

The Op Amp as a Voltage Comparator

When speed is not critical, an op amp can make an excellent comparator,' especially
in view of the extremely high gains and low input offsets available from many popular
op amp families. The VTC of a practical op amp was depicted in Fig. 1.39, where we
expressed vp in microvolts in order to be able to visualize the slope of the VTC in
the linear region. In comparator applications vp can be a hefty signal, so it is more
appropriate to express it in volts than in microvolts. If we do so, the horizontal scale
undergoes so much compression that the linear-region portion of the VTC coalesces
with the vertical axis, resulting in a curve of the type of Fig. 9.1b.

The circuit of Fig. 9.3a uses a 301 op amp to compare v; against some voltage
threshold, V7. When v; < V7 the circuit gives vp = — Vs = —13 V, and when
vy > Vritgives vp = +Viq = +13 V. This is illustrated in the figure via both the
VTC and the voltage waveforms. Since vp goes high whenever v/ rises above VT,
the circuit is aptly called a threshoid detector. If V3 = 0V, the circuit is referred to
as a zero-crossing detector.

It is important to realize that when used as a comparator, the op amp has no
control over vy due to the absence of feedback. The amplifier now operates in the
open-loop mode and, because of its extremely high gain, it spends most of its time
in saturation. Clearly, vy no longer tracks v p!

Though the output transitions in Fig. 9.3¢ have been shown as instantanecus,
we know that in practice they take some time due to slew-rate limiting. Had we

Vi
Vr

(@) (] ()

FIGURE 9.3

Threshold detector.

used a 741 op amp, the time to accomplish 50% of the output transition would have
been g = Vsat/SR = (13 V)/(0.5 V/us) = 26 s, an intolerably long time in
many applications. The reason for using the 301 op amp is that it comes without
the internal frequency-compensation capacitance Ce, so it slews more rapidly than
the 741 op amp. Frequency compensation is indispensable in negative-feedback
applications but is superfluous in open-loop applications, where it only slows down
the comparator unnecessarily.

Whether internally compensated or not, op amps are intended for negative-
feedback operation, so their dynamics are not necessarily optimized for open-loop
operation. Moreover, their output saturation levels are generally awkward to interface
to digital circuitry. These and other needs peculiar of the voltage-comparison opera-
tion have provided the motivation for developing a category of high-gain amplifiers
specifically optimized for this operation and thus called voltage comparators.

General-Purpose IC Comparators

Figure 9.4 depicts one of the earliest and most popular voltage comparators, the
LM311 (National Semiconductor). The input stage consists of the pnp emitter fol-
lowers Q| and Q3 driving the differential pair 3-Q4. The output of this pair is
further amplified by the Q5-Q¢ pair and then by the Q7-Qg pair, from which it
emerges as a single-ended current drive for the base of the output transistor Q.
Circuit operation is such that for v p < vy, Qg sgurces substantial current to the base
of Q. keeping it in heavy conduction; for vp > vy, the base drive is removed and
Qo is thus in cutoff. Summarizing,

Qo = Off forvp > vy (9.2a)
Qo =0n forvp < vy (9.2b)

The function of Qg and Rs is to provide overload protection for @, in the manner
discussed in Section 5.7 for op amps. The reason for using pnp input transistors is
to allow for the input voltage range as defined in Section 5.7 to extend all the way
down to VEg, and also to sustain a high differential input voltage.

When on, Q¢ can draw op to 50 mA of current. When off, it draws a negligi-
ble leakage current of 0.2 nA typical. Both the collector and the emitter terminals
(ignoring Rs) are externally accessible to allow for custom biasing of Q¢. The

401

SECTION 9.1

Voltage
Comparators




402

CHAPTER 9
Nonlinear Circuits

OUTPUT
70

10 pA

Yp [eh Qo

Rs
40
. y
Ve GND

Ground [ 1 U 8] vee
Input E + zl Output
Input [ 3 - 6 ] Batancesstobe
Vee E LM311 E] Balance
) ©
L]
FIGURE 9.4

The LM211 voliage comparator: {a) simplified circuit diagram, (b) pinout, and (c) offset
nulling. (Courtesy of National Semiconductor.)

most common biasing scheme involves a mere pullup resistance Rc, as shown in
Fig. 9.5a. For vp < vy, Q¢ saturates and is thus modeled with a source Veg(say
as in Fig 9.5b. So, vp = VEE(ogicy + VCE(say- Typically Veggay = 0.1 V, so we
can approximate

vo = VoL = VEgogicy  forvp < vy (9.30)

V('(‘l logic)

Veeosic
o
Ve
o

vpo 2 R,
Yo
YN O
Ver VEEogicr Vetiugior Verioge)
(a) (b) «)
FIGURE 9.5

{u) Biasing the LM311 output stage with a pullup resistance R¢. Equivalent circuits for the
(u) “output low” and (b) “‘output high” states.

Forvp > vy, Qp is in cutoff and is modeled with an open circuit as in Fig. 9.5¢.
By the pullup action of R we can wrile

vo = Yo = Vecgiogic) forvp > vy (9.3b)

The above expressions indicate that the output logic levels are under the con-
trol of the user. For example, letting Vecogicy =3 V and VEg(ogicy =0 V provides
TTL and CMOS compatibility. Letting Vec(ogicy = 15 V and VEE(logicy = —15 V
yields £15-V output levels, but without the notorious uncertainties of op amp sat-
uration voltages. The 311 can also operate from a single 5-V logic supply if we let
Vecqogic) = Vee = 5V and Vggqogicy = Vee = 0 V. In fact, in the single-supply
mode the device is rated to function all the way upto Vec =36 V.

Figure 9.6a shows another popular biasing scheme, which uses a pulldown
resistance Rg to operate Jp as an emitter follower. This alternative is useful

Transter function
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b
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| »
m
-

-6S -03 -010401 01 0%
Diftersniial lnput voitage (mV)

(a) (]

FIGURE 9.6

(a)Biasing the LM311 output stage with a pulidown resistance R . (b) VTC
comparison for pullup and pulldown biasing. (Courtesy of National Semi-
conductor.)
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FIGURE 9.7

Typical response times of the LM311 comparator. (Courtesy of National
Semiconductor.)

when interfacing to grounded loads such as silicon controlled rectifiers (SCRs),
an example of which will be discusded in Section 11.5. The VTCs for the two
biasing schemes are shown in Fig. 9.6b. Note the opposing polarities of the two
curves.

Figure 9.7 shows the response times of the 311 for various input overdrives.
The responses corresponding to Vog = 5 mV are often used for comparing dif-
ferent devices. Based on the diagrams, we can characterize the 311 as basically a
200-ns comparator when used with a pullup resistor on the order of a few kilo-
chms.

Like their op amp cousins, voltage comparators suffer from dc input errors
whose effect is to shift the input tripping point by an error

E; = Vos+ Raly — Rplp 94)

where Vs is the input offset voltage, [y and Ip the currents into the inverting- and
noninverting-input pins, and R, and R, the external dc resistances seen by the same
pins. At125°C, the LM311 has, typically, Vos = 2mV, Ig = (Ip+1nx)/2 = 100nA
(flowing out of the device because of the pnp input BITs), and Igs = Ip — Iy =
6 nA. Some comparators have provisions for internal offset nulling. Nulling for the
LM311 is shown in Fig. 9.4c.

Another very popular comparator, especially in low-cost single-supply appli-
cations, is the LM339 quad comparator (National Semiconductor) and its deriva-
tives. As shown in Fig. 9.8a, its differential input stage is implemented with the
pnp Darlington pairs Q(-Q2 and Q3-Q4, which result in a low-input-bias cur-
rent as well as an input voltage range extending all the way down to 0 V. The
current mirror (s-Qg¢ forms an active load for this stage and also converts to a
single-ended drive for (7. This transistor provides additional gain as well as the
base drive for the open-collector output transistor Q'o. The state of Qo is con-
trolled by vp and vy according to Eq. (9.2). Open-collector output stages are
suited to wired-OR operation, just like open-collector TTL gates. When on, Qo

i -
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FIGURE 9.8

Simplified circuit diagram and pinout of the LM339 quad comparator.
(Courtesy of National Semiconductor.)

can sink 16 mA typical, 6 mA minimum; when off, its collector leakage is typically
0.1 nA.

The waveforms of Fig. 9.9, obtained with a 5.1-k2 pullup resistance, reveal
that for a given input overdrive, the circuit takes longer to swing from Vg to Vou
than from Vpy to Vpi. This dissymmetry is due to charge-storage effects in Q.
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FIGURE %.9
L.M339 response times. (Courtesy of National Semiconductor.)

The other pertinent characteristics are, typically, Vos = 2 mV, Ig = 25 nA, and
Ios =5 nA. Moreover, the operating supply range is trom 2 V to 36 V, and the input
voltage range is from0 Vto Vec = 1.5 V.

Comparators are available in a variety of versions, such as duals and quads,
low-power versions, FET-input versions, and rail-to-raii versions. The LMC7211
(Naticnal Semiconductor) is a micropower CMOS comparator with rail-to-rail ca-
pabilities both at the input and at the output; the LMC7221 is similar, but with an
open-drain output. Consult the manufacturer catalogs to find the range of avail-
able products as well as macromodels for SPICE simulations. The library file
EVAL.LIB that comes with the student version of PSpice includes a Boyle-type
model for the 311 comparator. This model is activated via a command of the

type

XCMP vP vN VCC VEE vOC vOGND LM111

where voc and voawp are the open-collector output and the output ground terminals,
respectively.

High-Speed Comparators

High-speed data converters, shch as flash A-D converters, to be studied in Chapter 12,
rely on the use of commensurately fast voltage comparators. To serve this and similar
needs, very high-speed comparators are available with response times on the order
of 10 ns or less. Such speeds are achieved through circuit techniques and fabrication
processes similar to those of the faster logic families such as Schottky TTL and ECL.
Moreover, to fully realize these capabilities, suitable circuit construction techaiques
and power-supply bypass are mandatory on the part of the user.2

These comparators are often equipped with output latch capabilities, which
allow freezing the output state in a latch flip-flop and holding it indefinitely until the
arrival of a new latch-enable command. This feature is especially useful in flash A-D

Latch

Vpi

(@) by

FIGURE 9.10
Comparator with latch enable, and waveforms.

converters. The symbolism and timing for these comparators are shown in Fig. 9.10.
To guarantee proper output data, vp must be valid at least rg ns before the latch-
enable command is asserted, and must remain valid for at least 77 ns thereafter, where
ts and ty represent, respectively, the serup and hold times. Popular examples of latch
comparators are¢ the CMP-05 (Analog Devices) and LT1016 (Linear Technology).
The latter has t5 = 5 ns, 155 = 3 ns, and fpp = 10 ns.

Another useful feature available in some comparators is the strobe control,
wh.ich disables the device by forcing its output stage into a high-impedance state.
T-hlS feature is designed to facilitate bus interfacing in microprocessor applications.
Finally, for increased flexibility, some comparators provide the output both in true
(@} and in negated (Q) form.

9.2
COMPARATOR APPLICATIONS

Comparators are used in various phases of signal generation and transmission, as
well as in automatic control and measurement. They appear both alone or as part
of systems, such as A-D converters, switching regulators, function generators, V- F
Converters, power-supply supervisors, and a variety of others.

Level Detectors

T::e .functior] of a level detector, also called a threshold detector, is to monitor a
Physical variable that can be expressed in terms of a voltage, and signal whenever
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!
the variable rises above (or drops below) a prescribed value called the set value.
The detector output is then used to undertake a specific action as demanded by the
application. Typical examples are the activation of a warning indicator, such as a
light-emitting diode (LED) or a buzzer, the turning on of a motor or heater, or the
generation of an interrupt to a microprocessor.

As shown in Fig. 9.11, the basic components of a level detector are: (a) a
voltage reference Vggp 1o establish a stable threshold, (b) a voltage divider Ry
and R; to scale the input v;, and (¢) a comparator. The latter trips whenever v; is
such that [R/(R; + R2)lv; = Vrer. Denoting this special value of v; as Vr, we
get

Vr = (1 + R2/R)) VRrer 9.5

For vy < V7, Qo is off and so is the LED. For v; > Vr, Q¢ saturates and makes
the LED glow, thus providing an indication of when v; rises above Vr. Interchang-
ing the input pins will make the LED glow whenever v; drops below Vr. The
function of Rj is to bias the reference diode, and that of Ry is to set the LED
current.

EXAMPLE 9.1. In the circuit of Fig. 9.11 let Vpgr = 2.0V, R; = 20kQ, and R; =
30 kS2. Assuming a 339 comparator with Vo5 = 5 mV (maximum) and /3 = 250 nA
{maximum), estimate the worst-case error of your circuit.

Solution. In this circuit, 7 has no effect because R, = 0. Since Iy flows out of the
comparalor, it raises the inverting-input voltage by (R, || R2)Iy = 3 mV (maximum)
when the comparater is about to trip. The worst-case scenario occurs when Vos adds in

the same direction, for a net inverting-input rise of Vos + (Ry | R2)Iy =5+ 3 =8 mV
I (maximum). This has the same effect as an 8-mV drop in Vggr, giving Vr = (1 +

30/20)(2 — 0.008) = 4.98 V instead of V; = 5.00 V.

If v; is Vg itself, the circuit will monitor its own power supply and func-
tion as an overvoltage indicator. If the input pins are interchanged with each other
so that vy = VRer and vp =v;/(1 + R2/R)), then we have an undervoltage
indicator.

EXAMPLE 9.2 Using comparators of the 339 type, an LM385 2.5-V reference diode
{Ir = 1 mA), and two HLMP-4700 LEDs (Jigp = 2 mA and Vigp = 1.8 V), design a
circuit that monitors a 12-V car battery and causes the first LED to glow whenever the
battery voltage rises above 13 V, and causes the second LED to glow whenever it drops
below 10 V.

Solution. We need two comparators, one for overvoltage and the other for undervoltage
sensing. The comparators share the same reference diode, and in both cases v; is the
battery voltage V. For the overvoltage circuit we need 13 = (1 + Ry /R()2.5and Ry =
(13- 1.8)/2; use R) = 10.0kS2 and R, = 42.2kQ, both 1%, and Ry = 5.6 k2. For the
undervoltage circuit we interchange the input pins and we impose 10 = (1 + R;/R)2.5
and Ry = (10—1.8)/2;use R; = 10.0k2and R; = 30.1kQ, both 1%, and R4 = 3.9k12.
To bias the reference diode, use R; = (12 — 2.5)/1 = 10kQ.

On-Off Control

Level detection can be applied to any physical variable that can be expressed in terms
of a voltage via a suitable transducer. Typical examples are temperature, pressure,
strain, position, fluidic level, and light or sound intensity. Moreover, the comparator
can be used not only to monitor the variable, but also to control it.

Figure 9.12 shows a simple temperature controller, or thermostat. The compara-
tor, a 339 type, uses the LM335 temperature sensor to monitor temperature, and the
LM395 high-beta power transistor to switch a heater on and off in order to keep tem-
perature at the setpoint established via R,. The LM335 is an active reference diode
designed to produce a temperature-dependent voltage according to V(T') = T/100,
where T is absolute temperature, in kelvins. The purpose of Rs is to bias the sensor.
For the circuit to work over a wide range of supply voltages, the transducer-bridge
voltage must be stabilized. This function is provided by the LM329 6.9-V reference
diode, which is biased via Ry. -

The circuit operates as follows. As long as temperature is above the setpoint,
we have vy > vp; Qo saturates and keeps the LM395-heater combination off. If,
however, temperature drops below the setpoint, then vy < vp; Qo is now in cutoff,
thus diverting the current supplied by Rg to the base of the LM395 transistor. The
latter then saturates, turning the heater fully on.

Both the sensor and the heater are placed inside an oven and can be used, for
instance, to thermostat a quartz crystal. This also forms the basis of substrate thermo-
Stating, a technique often used to stabilize the characteristics of voltage references
and log/antilog amplifiers. We will see examples in Chapter 11 and 13.
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On-off temperature controller.

EXAMPLE 93. In the circuit of Fig. 9.12 specify suitable resistances so that the set-
point can be adjusied anywhere between 50 °C and 100 °C by means of a 5-k potentio-
meter.

Solution. Since V(50 °C)=(273.2+50)/100=3.232 V, and V(100 °C) =3.732 V,
the current through R; is (3.732-3.232)/5=0.1 mA. Consequently, R3=
3.232/0.1 =32.3 kQ (use 32.4 k2, 1%), and R, = (6.9 — 3.732)/0.1 =31.7 k{2 (use
31.6kQ, 1%).

Window Detectors

The function of a window detector, also called a window comparator, is to indicate
when a given voltage falls within a specified band, or window. This function is
implemented with a pair of level detectors, whose thresholds V. and Vry define
the lower and upper limits of the window. Referring to Fig. 9.13a, we observe that
as long as V7L < vy < Vry, hoth Qpy and Qo are off, s0 R pulls vp to Ve to
yield a high output. Should, however, v; fall outside the range, the output BJT of
one of the comparators will goon (Q g1 for vy > Vry, Qo2 forv; < Vrp) and bring
vo near 0 V. Figure 9.13b shows the resulting VTC.

If R, is replaced by an LED in series with a suitzble current-limiting resistor,
the LED will glow whenever v; falls outside the window. If we wish the LED to
glow whenever v; falls inside the window, then we must insert an inverting stage
between the comparators and the LED-resistor combination. An inverter example is
offered by the 2N2222 BIT of Fig. 9.14.

The window detector shown monitors whether its own supply voltage is within
tolerance. The top comparator pulls the base of the 2N2222 BJT low whenever V¢

h)

FIGURE 9.13
Window detector and its VTC.

drops below a given lower limit, and the bottom comparator pulls the base low
whenever V¢ rises above a given upper limit; in either case the LED is off. For
Vcc within tolerance, however, the output BJTs of both comparators are off, letting
R4 turn on the 2N2222 BIT and thus causing the LED to glow.

Vee

——F o

LM385
25V IjF

FIGURE 9.14
Power-supply monitor; LED glows as long as V¢ is within
specification.
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EXAMPLE 94. Specify suitable component values so that the LED of Fig. 9.14 glows
for Ve within the band 5 V £5%, which is the band usually required by digital circuits
1o work according to specification. Assume Vigp = 1.5 V, and impose fgp = 10 mA
and Tgonaaay = | mA.

Solution. For Vi =5+ 5% = 5.25 Vwe wantvy = 2.5 V for the bottom comparator;
for Voo = 5 — 5% = 4.75 V we want vp = 2.5 V for the top comparator. Using the
voltage divider formula twice gives 2.5/5.25 = R|/(R| + Rz + Ry), and 2.5/4.75 =
(Ri + R)/(R + Ry + R3). Let Ry = 10.0 kQ; then we get R, = 1.05 k2 and
Ry = 10.0 k2. Moreover, Ry = (5 - 0.7)/1 = 4.3kS2, Rs = (5 — 2.5)/1 = 2.7kQ,
and Re = (5 — 1.5)/10 = 330 .

Window comparators are used in production-line testing to sort out circuits that
fail to meet a given tolerance. In this and other automatic test and measurement
applications, Vr1, and Vry are usually provided by a computer via a pair of D-A
converters.

Bar Graph Meters !

A bar graph meter provides a visual indication of the input signal level. The circuit
is a generalization of the window detector in that it partitions the input signal range
into a string of consecutive windows, or steps, and uses a string of comparator-LED
pairs to indicate the window within which the input falls at a given time. The larger
the number of windows, the higher the resolution of the bar display.

Figure 9.15 shows the block diagram of the popular LM3914 bar graph meter
(National Semiconductor). The upper and lower limits of the signal range are set
by the vser via the voltages applied to the reference low (R o) and the reference
high (Ry)) input pins. An internal resistance string partitions this range into ten
consecutive windows, and each comparator causes the corresponding LED to glow
whenever v; rises above the reference voltage available at the corresponding tap. The
input level can be visualized either in bar graph form, or as a moving dot, depending
on the logic level applied at the mode control pin 9.

The circuit also includes an input buffer to prevent loading the external source
and a 1.25-V reference source to facilitate input range programming. With the con-
nection of Fig. 9.15 the input range is from 0 V to 1.25 V; however, bootstrapping
the reference source, as in Fig. 9.16, expands the upper limitto (1 + R /R }1.25 +
R21apy, where [apg is the current flowing out of pin 8. Since Iap) = 75 uA,
specifying Ry in the fow-kilohm range will make the Rz /ap; term negligible, so the
input range is from 0 V to (1 + R2/R)1.25 V. A variety of other configurations are
possible, such as multiple-device cascading for greater resolution, and zero-center
meter operation. Consult the data sheets for more details.

The LM3915 is similar to the LM3914, except that the resistance string values
have been chosen to give 3-dB logarithmic steps. This type of display is intended for
signals with wide dynamic ranges, such as audio level, power, and light intensity.
The LM3916 is similiar to the LM3915, except that the steps are chosen to configure
the device for VU meter readings, the type of readings commonly used in audio and
radio applications.
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The LM3914 dot/bar display driver. (Couttesy of National Semicon-
ductor.)
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FIGURE %.16
0-V to 5-V bar graph meter. (Courtesy of National Semicon-
ductor.)

Pulse-Width Modulation
If a voltage comparator is made to compare a siowly varying signal v; against a

high-frequency wave of the triangular or sawtooth type, the outcome is a square
wave with the same frequency as the triangular or sawtooth wave vg, but with

FIGURE 9.17
Modulating a high-frequency triangular
wave vig with a low-frequency signal v.

S aun

its symmetry controlled by v; in linear fashion. This is illustrated in Fig. 9.17 for
the case of a sinusoidal wave v; and a trianguiar wave vrr. Exploiting the 311
macromodel available in the EVAL.LIB file of PSpice, we use the following circuit
tile to visualize v for the case of vtr alternating between O and V,, = 10 V at
| kHz, and v; alternating between 0.5 V and 9.5 V a1 100 Hz.

PWN Circuit:

vI 2 0 min (Sv 4.5V 100Az)

vIR 3 0 pulse {0V 10V -0.25ms 0.5ms 0.5ms 1us 1ms)
vCcC 8 0 dc 12v

.1ib eval.lib

XCMP 2 3 8 0 7 0 LN111

Rc B8 7 3.3k

.tran 100us l0me O0ms 100us

.probe

.end

The waveforms are shown in Fig. 9.18.
The degree of symmeltry of v is expressed via the duty cycle
D(%) = 1004 (9.6)
0) = —_ .
T+ Ty

where T, and Ty denote, respectively, the times spent by v 'in the low and the high
state within a given cycle of vyg. For instance, if v is high {or 0.75 ms and low for
0.25 ms, then D(%) = 100 x 0.75/(0.25 + 0.75) = 75%. It is readily seen that for
the example illustrated we have

D(%) = 100 ©.7)
Vin
indicating that varying v; over the range 0 < v; < V,, varies D over the range
0% < D < 100%. We can regard v as a train of pulses whose widths are controlled,
or modulated, by v;. Pulse-width modulation (PWM) finds application in signal
transmission and power control,

Os
avi2) ¢ v(3) & ¥

Time

FIGURE 9.18
PWM waveforms.
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93
SCHMITT TRIGGERS

Having investigated the behavior of high-gain amplifiers with no feedback, we now
turn to amplifiers with positive feedback, atso known as Schmit triggers. While neg-
ative feedback tends to keep the amplifier within the linear region, positive feedback
forces it into saturation. The two types of feedback are compared in Fig. 9.19. At
power turn-on, both circuits start out with v = 0. However, any input disturbance
that might try to force v away from zero will elicit opposite responses. The ampli-
fier with negative feedback will tend to neutralize the perturbation and return to the
equilibrium state v = 0. Not so in the case of positive feedback, for now the reac-
tion is in the same direction as the perturbation, indicating a tendency to reinforce
rather than neutralize it. The ensuing regenerative effect will drive the amplifier into
saturation, indicating two stable states, namely, vp = Voy and vgp = VoL.

(a) (5)

FIGURE 9.19
Mechanical models of (a) negative and (b) positive feedback.

In Fig. 9.19 negative feedback is likened to a ball at the bottom of a bow], and
positive feedback to a ball at the top of a dome. If we shake the bowl to simulate
electronic noise, the ball will eventually return to its equilibrium position at the
bottom, but shaking the dome will cause the ball to fall to either side.

Inverting Schmitt Trigger

The circuit of Fig. 9.20a uses a voltage divider to provide positive dc feedback
around a 301 op amp. The circuit can be viewed as an inverting-type threshold
detector whose threshold is controlled by the output. Since the cutput has two stable
states, this threshold has two possible values, namely,
- B v vp=f
R+ R R+ R
With the output saturating at £13 V, the component values shown give Vi = +5V
and Vp, = —5 V, also expressed as Vr = 23 V.

The best way to visualize circuit behavior is by deriving its VTC. Thus, for
vy « 0, the amplifier saturates at Vo = +13 V, giving vp = Vry = +5 V. Increas-
ing v; moves the operating point along the upper segment of the curve until v;
reaches V7. At this juncture the regenerative action of positive feedback causes vg

Vra Vor 9.8)

vo Voits

vl oo NS

K

(1) (b) - ()

FIGURE 9.2¢
Inverting Schmitt trigger, VTC, and sample waveforms.

to snap from Vg to Vo as fast as the amplifier can swing. This, in turn, causes vp
to snap from Vry to Vyr, or from +5 V to —5 V. If we wish to change the output
state again, we must now lower v; all the way down tovp = Vyr = —5 V, at which
juncture v will snap back to Voy. In summary, as soon as vy = v; approaches
vp = Vr, vo and, hence, v p, snap away from vy . This behavior is opposite to that
of negative feedback, where vy tracks vp!

Looking at the VTC of Fig. 9.20b, we observe that when coming from the
left, the threshold is Vi, and when coming from the right it is Vry. This can also
be appreciated from the waveforms of Fig. 9.20c, where it is seen that during the
times of increasing v; the output snaps when v; crosses Vry, but during the times
of decreasing v; it snaps when v, crosses V. Note also that the horizontal por-
tions of the VTC can be traveled in either direction, under external control, but the
vertical portions can be traveled only clockwise, under the regenerative effect of
positive feedback.

A VTC with two separate tripping points is said to exhibit hysteresis. The hys-
teresis width is defined as

AVr =V —Vn 9.9)
and in the present case can be expressed as

R
AVr = (Vou — Vou) 9.10)
T"R+R
With the component values shown, AVr = 10 V. If desired, AVr can be varied
by changing the ratio Ry/R3. Decreasing this ratio will bring Vry and VL closer
together until, in the limit Ry /Ry — 0, the two vertical segments coalesce at the
origin. The circuit is then an inverting zero-crossing detector.

Noninverting Schmitt Trigger

The circuit of Fig. 9.21a is similar to that of Fig. 9.20a, except that v; is now applied
at the noninverting side. For v; < 0, the output will saturate at VoL If we want vg
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FIGURE 9.21
Noninverting Schmitt trigger, VTC, and sample waveforms.

to switch state, we must raise v to a high enough value o bring vp to cross vy = 0,
since this is when the comparator trips. This value of vy, aptly denoted as Vry, must
be such that (Vg — 0)/Ry = (0 —~ VoL)/ Ry, or

R
Vi = ——Vor 9.11a)
R

Once v has snapped to Voy, v; must be lowered if we want vo to snap back to
VoL. The tripping voltage V7 is such that (Voy — 0)/Rz = (0 — Vr)/ Ry, or

R
ViL = — = Von 9.11b)
Ry

The resulting VTC, shown in Fig. 9.21b, differs from that of Fig. 9.20b in that
the vertical segments are traveled in the counterclockwise direction. The output
waveform is similu to that of the inverting Schmitt trigger, except for a reversal in
polarity. The hystercsis width is now

R
Vr = —(Vox - V, A2
AVr Rz( o# — Vor) 9.12)

and it can be varied by changing the ratio R}/ R;. In the limit Ry /Ry — 0 we obtain
a noninverting zero-crossing detector.

VTC Offsetting

In single-supply Schmitt triggers the need arises to offset the VTC so that it lies
entirely within the first quadrant. The circuit of Fig. 9.22a achieves the positive
offset depicted in Fig. 9.22b by using a pullup resistance R;. To find suitable design

v,
R, R, [
Vr 4 You

ST ||

Vie Vi

(a) &)

FIGURE 9.22
Single-supply inverting Schmitt trigger.

equations, we apply the superposition principle and write
___ Rk e Rl Rz v
RiNR)+ R " (RIIR)+R; °

As we know, the circuit gives VoL =0 V. To achieve Voy = Ve, we specify Ry «
R3 + (R} |f R2). Then, imposing vp = Vr forvg = Vo = 0, and vp = Vry for
vo = Von = Vcc, we get
Ryl Rs R)
=—————Vcc Vm=_-——r"7"1""V
(Ri 1 R3) + Rz e R F (R Ry <€

Rearranging gives i

ve

1413

1 _ Vcc—Vm(

L_ Vo (_l_ l) 1 l) 9.13
Ry Vec—ViL \R| Ry R Vra TR O

R, Ry

Since we have two equations and four unknown resistances, we fix two, say, R4 and
R3 > R4, and then solve for the other two.

EXAMPLE 95. Let the comparator of Fig. 9.22a be the LM339 type with Vec = 5 V.
Specify suitable resistances for Vo, =0V, Voy =5V, Vyy = 1.5V, and Vo = 2.5V,

Solution. Let R, = 2.2 kQ (a reasonable value) and let By = 100 kQ (which is
muchgrea:e}'than 22kR). Then, 1/Ry=(1.5/3.5)(1/R, +1/100)and 1 /R, =} /R, +
1/100, Solving yields R, = 40 k€2 (use 39 kQ) and R, = 66.7 kS2 (use 68 k).

‘ Figure 9.23a shows the noninverting realization of the single-supply Schmitt
trigger. Here, the function of Ry and R is to provide a suitable bias for vy . Imposing
Rs « Ry + R4 10 ensure Von = Vcc, and following a similar line of reasoning,
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Vi Vm
{(a) ®

FIGURE %.2)

Single-supply noninverting Schmitt trigger.

one can readily show (see Problem 9.10) that

Ry Viu-Vie Ry _Vec~Vo
Ry Vee Ry Vru

These equations are used to achieve the desired Vrz and Vyy.

9.14)

Eliminating Comparator Chatter

When processing slowly varying signals, comparators tend to produce multiple out-
put transitions, or bounces, as the input crosses the threshold region. Figure 9.24
shows an example. Referred to as comparator chatter, these bounces are due to
ac noise invariably superimposed on the input signal, especially in industrial envi-
ronments. As this signal crosses the threshold region, noise is amplified with the

Volts
vp Vo
Vou |— '
0 t
O Vo
() h
1 Vo I L
(a) (b)
FIGURE 9.24
Comparator chatter.

(@) A )

FIGURE 9.28
Using hysteresis to eliminate chatter.

full open-loop gain, causing output chatter. For instance, the LM311 comparator,
whose gain is typically 200 V/mV, requires an input noise spike of only
(5/200,000) =25 uV to cause a 5-V output swing. Chatter is unacceptable in
counter-based applications.

The problem is eliminated with the help of hysteresis, as shown in Fig. 9.25. In
this case, as soon as v crosses the present threshold, the circuit snaps and activates
the other threshold, so v; must swing back to the new threshold in order to make
vo snap again. Making the hysteresis width greater than the maximum peak-to-peak
amplitude of noise prevents spurious output transitions,

Even in situations where the input signal is relatively clean, it always pays to
introduce a small amount of hysteresis, say, 2 few millivoits, to stave off poten-
tial oscillations due to stray ac feedback caused by parasitic capacitances and the
distributed impedances of the power-supply and ground busses. This stabilization

technique is particularly important in flash A-D converters.

Hysteresis in On-Off Controllers

Hysteresis is used in on-off control to avoid overfrequent cycling of pumps, fur-
naces, and motors. Consider, for instance, the temperature controller discussed in
connection with Fig. 9.12. We can easily turn Tt into a home thermostat by having
the comparator drive a power switch like a relay or a triac to turn a home furnace on
or off. Starting with temperatures befow the setpoint, the comparator will activate
the furnace and cause temperature to rise. This rise is monitored by the temperature
sensor and conveyed to the comparator in the form of an increasing voltage. As
soon as the temperature reaches the setpoint, the comparator will trip and shut off
the furnace. However, the smallest temperature drop following furnace shut off will
suffice to trip the comparator back to the active state. As a result, the furnace will be
cycled on and off at a rapid pace, a very taxing affair.

In general, temperature need not be regulated to such a sharp degree. Allowing
a hysteresis of a few degrees will still ensure a comfortable environment and yet
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Nonlinear Circuits
EXAMPLE 9.6. Modify the temperature controller of Example 9.3 to ensure a hysteresis

of about £ 1 °C. The LM395 power BIT has typically Vpgion = 0.9 V.

Soluticn. Connect a positive-feedback resistance Ry between the output v and the
noninverting input vp of the comparator, so that Avp = Av; Ry /(Rw + Rr). where
Rw is the equivalent resistance presented to Ry by the wiper. With the wiper in the
middie, Rw = (R + R2/2D)|(R3 + R2/2) = 17.2 k2. Using Avp = 09 V and
Avp = %1 x 10 mV = 20 mV, and solving, we get Ry = 750 kQ.

94
PRECISION RECTIFIERS

A half-wave rectifier (HWR) is a circuit that passes only the positive (or only the
negative) portion of a wave, while blocking out the other portion. The transfer
characteristic of the positive HWR, pictured in Fig. 9.26a, is

vo =V; forv; >0 (9.15q)

vo=0  forvy <0 (9.15b)

A full-wave rectifier (FWR), besides passing the positive portion, invests and then
passes also the negative portion. Its transfer characteristic, depicted in Fig. 9.26b, is
vo = v forvy > 0, and vg = —vy forv; < 0, or, more concisely,

vo = vil (9.16)

An FWR is also referred 1o as an absolute-value circuit.

——

v — F— vo v —+ — Vo
U - N/ U NS
(a) ]
FIGURE %.26

Half-wave rectifier (HWR) and full-wave rectifier (FWR).

Rectifiers are implemented using nonlinear devices such as diodes. The nonzero
forward-voltage drop Vp(on) of a practical diode may cause intolerable erfors in low-
level signal rectification. As we shall see, this shortcoming is avoided by placing the
diode inside the negative-feedback path of an op amp.

-

Superdiode

FIGURE 9,27
Basic half-wave rectifier.

Half-Wave Rectifiers

The analysis of the circuit of Fig. 9.27 is facilitated if we consider the cases v; > 0
and v; < 0 separately.

1. vy > 0: In response to a positive input, the op amp output vgs will also swing
positive, turning on the diode and thus creating the negative-feedback path shown
in Fig. 9.28a. This allows us to apply the virual-short principle and write v =
vi. We abserve that to make vp track v;, the op amp rides its output a diode
drop above v, that is, voa = vp + Voiony = vo + 0:7 V. Placing the diode
within the feedback loop in effect eliminates any errors due to its forward-voltage
drop. To emphasize this dramatic effect of negative feedback, the diode-op amp
combination is referred to as a superdiode.

2. vy < 0: Now the op amp output swings negative, turning the diode off and
thus causing the current throngh R to go to zero. Hence, vg =0. As pictured
in Fig. 9.28b, the op amp is now operating in the open-loop mode, and since
vp < v, the output saturates at voq = Vor. With Vg = —15V,vga = —13 V.

A disadvantage of this circuit is that when v 1 changes from negative to positive,
the op amp output has to come out of saturation and then swing all the way from
voa = VoL = —13 Vo voq = vy + 0.7 V in order to close the feedback loop.
All this takes time, and if v; has changed appreciably meanwhile, vp may exhibit

—0 Yo =Vt —0 vy =0

(a) b

FIGURE 9.28
Equivalent circuits of the basic HWR for (a) positive and (b) negative inputs,
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FIGURE 9.29
Improved HWR and its VTC.

intolerable distortion. The improved HWR of Fig. 9.29a alleviates this inconvenience
by using a second diode to clamp the negative saturation level just a diode drop below
ground. Proceeding as usual, we identify two cases:

L. vy > 0: A positive input causes D) to conduct, thus creating a negative-feedback
path around the op amp. By the virtual-ground principle we have vy = 0, indi-
cating that D) now clamps the op ainp output at vgy = — Vb1 (on). Moteover, Dy
is off, s0 no current flows through R and, hence,vg = 0.

2. vy < 0: A negative input causes the op amp output to swing positive, thus turning
D on. This creates an alternative negative-feedback path via D, and R;, which
stillensures vy = 0. Clearly, Dy is now off, so the current sourced by the op amp
to R must equal the current sunk by v; from Ry,or (vg —0)/R, = (0—v;)/R;.
This gives vg = (—R3 /R )v;. Moreover, voq = vo + Vbaon)-

Circuit behavior is summarized as

vo=0 forv; >0 (9.17a)
vo = —(Ry/Ry)vy forv; <0 (9.17b)
and the VTC is shown in Fig. 9.29b. In words, the circuit acts as an inverting HWR

with gain. The op amp output vgy still rides a diode drop above v when vp > 0;

however, when vg = 0, vpu is clamped at about ~0.7 V, that is, within the linear

region. Consequently, the absence of saturation-related delays and the reduced output
voltage swing result in much improved dynamics.

Full-Wave Rectifiers

One way of synthesizing the absolute value of a signal is by combining the signal
itself with its inverted half-wave rectified version in a 1-to-2 ratio, as shown in
Fig. 9.30. Here OA| provides inverting half-wave rectification, and OA; sums v; and
the HWR output viyw in a t-to-2 ratio to give vg = —(Rs/R4)vy — (Rs/R3)vHw.
Considering that vyw = —(R2/R1)v; forv; > 0,and vyw = 0forv; < 0, we can
write

forvy >0V (9.18a)

forv; <0V (9.185)

vo = ApVvy

vpg = —Apvy

Rg=AR

FIGURE 9.30
Precision FWR, or absolute-value circuit.

where
Rs RaRs

Ap == Ap=—"T-A4 9.19
"= R RiRs n 9.19)
We want both halves of the input wave to be amplified by the same gain Ap = 4, =
A, for then we can write vo = Avj forv; > 0 and vgp = —Av, forv; < 0, or,

concisely,
vo = Alvy! (9.20)

One way of achieving this goal is by imposing Ry = Rz = Ry = R, Ry = R/2,
and R5 = AR, as shown; then, A = Rs/R.

Because of resistance tolerances, A, and A, will generally differ from each
other. Their difference
RaRs 2 Rs
R({R3 R4
is maximized when R; and R4 are maximized and R, and Rj are minimized. (Rs
can be ignored since it appears in both terms.) Denoting percentage tolerance as p
and substituting Ry = R4 = R(l + p) and R, = 2R3 = R(1 — p) gives

I+ p 1 )

(I-p? 1+p
where A = Rs5/R. For p <« | we can ignore-higher-order powers of p and use

the approximations (1 £ p)~' = (1  p). This allows us to estimate the maximum
percentage difference between A, and Ay as

Ap—'An =
|Ap — Aplmax =2A(

jo|Ae—Ar| = 800p

A max
For instance, with 1% resistances, A, and A, may differ from each other by as
much as about 800 x 0.01 = 8%. To minimize this error, we can either use more
Precise resistors, such as laser-trimmed IC resistor arrays, or trim one of the first
four resistors, say, R;.

The alternative FWR realization of Fig. 9.3 requires only two matched resistors.

For v; > 0, Dy is on, allowing OA, to keep its inverting input at virtual ground.
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Ry=(A-DR

v

FIGURE 9,31
FWR using only two matched resistors.

With the output of OAy clamped al —Vp, (o). D7 is off, allowing R4 to transmit v
to OA3. The latter, acting as a noninverting amplifier, gives vp = Apv;,

Forv; < 0, D is off and D, is forward biased by R4. OA} still keeps its inverting
input at virtual ground, but via the feedback path D;-OA;-R3-R;. By KCL, (0-v;)/
Ry =(vo —0)/(Ry + R3),orvg = —Anvy,

_R+Ry

= ———Rl

Imposing Ap = A, = A allows us to write concisely vo = A|v]|. This condition
is met by imposing Ry = Ry = R and R3 = (A — 1}R, as shown. Clearly, only two
matched resistances are needed.

. An

Ac-dc Converters

The most common application of precision absolute-value circuits is ac-dc conver-
sion, that is, the generation of a dc voltage proportional to the amplitude of a given ac
wave, To accomplish this task, the ac signal is first full-wave rectified, and then low-
pass filtered to synthesize a dc voltage. This voltage is the average of the rectified
wave,

1 /7T
- Vavg= —T-_[) lv(t)dt

where v(f) is the ac wave and T is its period. Substituting v(t) = V,, sin 2 f1, where
Vim is the peak amplitude and f = 1/T is the frequency, gives
Vavg = (2/m)Vin = 0.637V

An ac-dc converter is calibrated so that when fed with an ac signal it gives its
root-mean-square (rms) value,

1 T
Vems = (F-/O vz(t)df)

1/2
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FIGURE 9.32
(a) Relationship between Vi and V,,, and between V,,, and V,,. (b) Block diagram of an

ac-dc converter.

Substituting v (£) = V), sin 2rft and integrating gives
Vims = Vi / V2 = 0.707Vpm

The relationships between average and rms values and peak value are depicted in
Fig. 9.32a. These relationships, which hold for sinusoidal waves but not necessarily
for other waveforms, indicate that in order 1o obtain Vims from Vayg, we need to
multiply the latter by (1/v2)/(2/7) = 1.11. The complete block diagram of an
ac-dc converter is thus as in Fig. 9.32b.

Figure 9.33 shows a practical ac-dc converter implementation, The gain of
1.11 V/V is adjusted by means of the 50-k§2 pot, and the capacitance provides
low-pass filtering with cutoff frequency fo = 1/2n RsC, where Rs is the net resis-
tance in parallel with C, or 1.11 x 200 = 222 kQ. Hence, fy = 0.717 Hz. Using
the LT1122 fast-settling JFET-input op amps allow the circuit to process a 10-V
peak-to-peak ac signal with a 2-MHz bandwidth.

The capacitance must be sufficienjly large to keep the residral output ripple
within specified limits. This requires that fj be well below the minimum operating

200kQ c
—_———
1uF
20k0N 20kQ2 100 k2 200 k£2 50 k€2
'A‘A ﬂ ﬁ q h f\ 4 ﬁ A AA ‘
¥ IN4148 (
+ IN4148 1k LTh22
vy 1.
™=
—0 vy
1 LTII22
FIGURE 9.33
Wideband ac-dc converter.
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frequency fmin- Since an FWR doubles the frequency, the criterion for specifying C
becomes

1

4n Rs fimin

As a conservative rule of thumb, C should exceed the right-hand term by the inverse
of the fractionai ripple error that can be tolerated at the output. For instance, fora 1%
ripple error, C should be about 1 /0.01 = 100 times as large as the right-hand term.
To remain within this error all the way down to the low end of the audio range, so
that fiin = 20 Hz, the above circuit would require C = 100/(4r x 222 x 10° x
20) = 1.8 uF.

C>»

9.5
ANALOG SWITCHES

Many circuits require electronic switches, that is, switches whose state is voltage-
programmable. Chopper amplifiers, D-A converters, function generators, S/H ampli-
fiers, and switching power supplies are common examples. Switches are also used to
route signals in data acquisition systems, and to reconfigure circuits in programmable
instrumentation.

Closed (C/O = H)

+ Open (C/O = L)
v v

(a} )

FIGURE 9.34
Ideal switch and its i-v characteristics.

As depicted in Fig. 9.34a, SW closes or opens, depending on the logic level at
the control input C/O. When SW is closed it drops zero voliage regardless of the
current, and when SW is open it draws zero current regardless of the voltage, thus
giving the characteristic of Fig. 9.34b. This behavior can be approximated by any
device capable of high on-off resistance ratios, such as field-effect transistors (FETs).
An FET acts as a variable resistor called channel, whose resistance is controlled by
the voltage applied between a control terminal called gate G and one of the channel
terminals. These terminals, called source S and drain D, are usually interchangeable
because the FET structure is symmetric.

JFET Switches

Figure 9.35 shows the characteristics of the n-channel JFET, or a-JFET for short.
Each curve represents the i-v characteristic of the channel for a different value of

in i
vgs=0 vas=0
l Decr. vgs
14 ¥ de(on)
- 7 Vs t 7 Vps
vas S Vosiom vas < Visom
(a) *) - ()

FIGURE %.35
The n-channel JFET (Vgsom < 0), and its i-v characteristics. a

the control voltage vs applied between gate and source. For vgs = 0 the channel
is highly conductive, this being the reason why JFETS are said to be normally on
devices. Making vy progressively more negative reduces channel conductivity until
a cutofT threshold V(o) < 0 is reached, such that for vgs < Vgsiomry conductivity
drops to zero and the channel acts as an open circuit. Vggom) is typically in the
range of —0.5 V to —10 V, depending on the device.

In switch applications we are interested only in two curves, the ones correspond-
ing to vgs = 0 and vgs < Vgsofr). The former is highly nonlinear; however, when
the channel is used as a closed switch, its operation is near vps = 0 V, where the
curve is fairly steep and linear. The slope is inversely proportional to a resistance
Tds(on) Called the dynamic resistance of the channel,

dip H
dvps  Tds(on)

9.21)

For ideal switch operation, this resistance should be zero; in practice, it is typi-
cally in the range of 102 Q or less, depending on the device type.

When the channel is off, its resistance is virtually infinite. The only currents
of potential concern in this case are the leakage currents, namely, the drain cutoff
current Ipofry and the gate reverse current Igss. At ambient temperature these
currents are typically in the picoampere range; however, they double with about
every 10 °C increase. This can be of concern in ¢cerlain applications, as we shall see.

A popular n-JFET switch is the 2N4391 (Siliconix), whose room-temperature
ratings are: —4 V < Vggom < =10V, r4son) <30 2, Ipmy < 100 pA, Igss <
100 pA flowing out of the gate, turn-on delay < 15 ns, and turn-off delay < 20 ns.
Figure 9.36 illustrates a typical switch application. The function of the switch is to
provide a make/break connection between a source v; and a load R, whereas the
function of the switch driver is to translate the TTL-compatible logic command O/C
to the proper gate drive.

With O/C fow (50 V). the E-B junction of Q) is off, so both @) and Q> are
off. By the pullup action of Ry, Dy is reverse-biased, allowing R) to keep the gate
at the same potential as the channel. We thus have vgs = 0 regardiess of v, so the
switch is heavily on.

LI . oy [ |
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FIGURE 9,36
The n-chaonel JFET as a switch.

With O/C high (= 5 V), 0 conducts and forces @, to saturate, thus pulling the
gate close to —15 V. With a gate voltage this negative, the switch is off . To prevent
Jy from inadvertently going on, we must limit v; in the negative direction,

Vi(min) = VEE + VCE26m) + VDIton) = YG5Stof) 9.22)
For instance, with Vgg(omy = —4 Y we oblain v (min) = —15+0.140.7 - g—4) =
—10V, indicating that the circuit will operate properly only as long as the input is
above —10 V. )

For high-speed operation,? connect a 100-pF capacitor between the control
input gnd the base of Q4 to speed up the turn-on and turn-off times of Q7, and an
HP2810 Schottky diode between the base and collector of @2 (anode at the .basg) 1o
eliminate the storage delay of Q5. JFET drivers as well as JFET-driver combinations
are available in IC form from a variety of manufacturers. ‘

The configuration of Fig. 9.36 requires a dedicated driver because the switch
must ride with the signal v;. If the switch is allowed to remain at a near!y constant
potential, such as the virtual-ground potential of an op amp, then the driver can be
simplified or even eliminated, as the configuration of Fig. 9.37 shows. Refen’ed. toas
analog-ground-switch or current switch, this configuration uses a p!FET designed
for direct compatibility with standard logic levels. The p-JFET is similar to the
n-JFET, except that the cutoff voltage is now positive, or Vs > 0. Moreover,

the fabrication of p-JFETSs is compatible with low-cost bipolar technology. The
switch operates as follows.

Analog-ground-switch using p-channel JFETs.

When the control input O/C is low we have vgsy = 0, indicating that J, is
heavily on. To compensate for the presence of Fdsi(on), @ dummy JFET J; is used
in the feedback path of the op amp with the gate and source tied together to keep it
permanently on. Jy and J; are matched devices to ensure Fds2(on) = I'dsl(on) and,
hence, vg fv) = —1 V/V.

When OfC is high, or vgs) > Visiof). /1 is off and signal propagation is thus
inhibited, sonow vo /v =0. D} provides aclamping function to prevent the channel
from inadvertently turning on during the positive alternations of v 1- Summarizing,
the circuit provides unity gain when O/C is low, and zero gain when O/C is high.

The principle of Fig. 9.37 is especially useful in summing-amplifier applications.
Replicating the input resistor-diode-switch combination  times gives a k-channel
analog multiplexer, a device widely used in data acquisition and audio signal switch-
ing. The AH5010 quad switch (National Semiconductor) consists of four p-FET
switches and relative diode clamps plus a dummy FET in the same package. With an
external op amp and five resistors, one can implement a four-channe} multipiexer, and
by cascading multiple AH5010s one can expand to virtually any number of channels,

MOSFET Switches '

Since MOS technology forms the basis of digital VLSI, MOS switches are partic-
ularly attractive when analog and digital functions must coexist on the same chip.
MOSFETs are available both in normally on, or depletion, versions, and in normally
off, or enhancement, versions. The latter are by far the most common, since they
form the basis of CMOS technology.

Figure 9.38 shows the characieristics of the enhancement n-channel MOSFET,
or n-MOSFET, for short. Its behavior is similar to that of the n-JFET, except that
With vGg = 0 the device is off. To make the channel conductive, vgs must be raised
above some threshold VGs(on) > 0; the greater vgs compared to VGsion)» the more
conductive the channel. When operated in a virtual-ground arrangement of the type
of Fig. 9.37, an n-MOSFET opens when the gate voltage is low, and closes when
the gate voltage is high.

If the »-MOSFET is connected ina floating arrangement of the type of Fig.9.36,
'€ on-state conductivity is no longer uniformly high, but varies with v 1 since vgs
Uself is a function of vy. The channel is much less conductive during positive
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FIGURE 9.33
The enhancement n-channel MOSFET (Vgsion > 0), and its i-v characteristics.

than during negative alternations of v;, and for sufficiently positive values of
vy it may actually turn off. These drawbacks are eliminated by using a pair of
complementary MOS (CMOS) FETs, one handling the negative and the other the
positive alternations of v;. The forrmer is an enhancement n-MOSFET, and the
latter an enhancement p-MOSFET, whose characteristics are similar to those of
the n-MOSFET, except that the turn-on threshold is now negative. So, to make a
p-MOSFET conductive, we need vgs < Vgsion) < 0; the lower vgs compared to
Vs(ony» the more conductive the channel. For proper operation, the p-MOSFET
must be driven in antiphase with respect to the n-MOSFET. As shown in Fig. 9.39a
for the case of symmetric power supplies, this drive is provided by an ordinary CMOS
inverter.

When C/Q is high, the gate of --MOSFET M, is high and that of p-MOSFET M,
is low, turning both devices on. As depicted in Fig. 9.39b, My, offers low resistance
only over the lower portion of the signal range, and M, only over the upper portion.

Fis(on)

VDD

€0 o—
Voo On
vl Lon v

(a) (]

4]

Vs 0 \ Voo
Parallel resistance

FIGURE 9.3%
CMOS transmission gate, and its dynamic resistance as a function of v;.

However, as a team, they offer a combined parallel resistance that is reasonably low
throughout the entire range Vss < v; < Vpp. Finally, when C/Q is low, both FETs
are off and signal transmission is inhibited.

Also called a transmission gate, the basic configuration of Fig. 9.39a is avail-
able in a variety of versions and performance ratings. Two of the oldest exam-
ples are the CD4066 quad bilateral switch and the CD4051 eight-channel
multiplexer/demultiplexer, originally introduced by RCA. The 4051 also provides
logic-level translation to allow the switches to work with bipolar analog signals
while accepting unipolar logic levels. A wide variety of other MOS-switch products
can be found by consulting the data books.

9.6
PEAK DETECTORS

The function of a peak detector is to capture the peak value of the input and yield
Vo = Vi(peak): To achieve this goal, v is made to track v; until the peak value is
reached. This value is then held untif a new, larger peak comes along, in which case
the circuit will update v to the new peak value. Figure 9.40a shows an example of
input and output waveforms. Peak detectors find application in test and measurement
instrumentation,

From the above description we identify the following four blocks: (a) an analog
memory to hold the value of the most recent peak—this is the capacitor, whose
ability to store charge makes it act as a voltage memory, as per V = Q/C; (b) a
unidirectional current switch to further charge the capacitor when a new peak comes
along: this is the diode; (c) a device to force the capacitance voltage to track the input
voltage when a new peak comes along: this is the voltage follower; (d) a switch to
periodically reinitialize v ¢ to zero: this is accomplished with a FET discharge switch
in parallel with the capacitor.

In the circuit of Fig. 9.40b the above tasks are performed, respectively, by Cy,
Da, OA, and SW. The function of OA; is to buffer the capacitor voltage to prevent
discharge by R and by any external load. Moreover, D| and R prevent OA from

Volis
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FIGURE 9.40
Peak-detector waveforms and circuit diagram.
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FIGURE 9.41
Peak-detector equivalents during (a) the track mode, and (&) the hold mode.

saturating afier a peak has been detected, and thus speed up recovery when a new
peak comes along. The circuit operates as follows. .

With the arrival of a2 new peak, QA swings its output v) positive, tumning D)
off and D, on as shown in Fig. 9.41a. OA uses the feedback path D1-OA2-R to
maintain a virtual short between its inputs. Since no current flows through R, the
result is that v will track v;. During this mode, aptly called the frack mode, OA|
sources current to charge Cy via Dy, and its output rides a diode drop above v, or
vi =vg + Vpaon)-

After peaking, v; starts to decrease, causing the output of OA| also to decrease.
Consequently, D3 goes off and Dy goes on, thus providing an alternative feedback
path for OA,, as depicted in Fig. 9.41b. By the virtual-short concept, the output of
0OA| now rides a diode drop below v, or vi = v; — Vpj(on). During this mode,
called the hold mode, the capacitor voltage remains constant, and the function of R
is to provide a current path for Dy.

We observe that placing D, and OA; within the feedback path of OA) eliminates
any errors due to the voltage drop across D; and the input offset voltage of OA». All
that is required at the input of OA; is a sufficently low input bias current to minimize
capacitance discharge between peaks. The requirements of OA are a sufficiently low
dc input error, and a sufficiently high output-current capability to charge Cy during
fast peaks. Moreover, OA| may need to be stabilized against the feedback-loop pole
introduced by 7o) and Cy, and that introduced by OAj. This is usually achieved by
connecting suitable compensation capacitors in paralle! with D and R. Typically,
R is on the order of a few kiloohms, and the compensation capacitances on the order
of a few tens of picofarads.

It is readily seen that reversing the diode directions causes the circuit to detect
the negative peaks of v;.

Voltage Droop and Sagback

During the hold mode, v should remain rigorously constant. In practice, because of
leakage currents, the capacitor will slowly charge or discharge, depending on leakage
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FIGURE 9.42
{a) Circuit mode for diclectric absorption, and (b) the sagback effect.

polarity. Leakage stems from various sources, namely, from diode, capacitor, and
reset-switch leakage; printed-circuit board leakage; and the input bias current of OA;.
Using the capacitance law i = C dv/dt and denoting the net capacitance leakage as
11, we define the voltage droop rate as

d Vo I L
I = Ch 9.23)
For instance, a 1-nA leakage current through a 1-nF capacitance produces a voltage
droop rate of 107971072 = 1 V/s =1 mV/ms. Droop is minimized by reducing the
individual leakage components.

The most crucial limitations of a practical capacitor in analog memory appli-
cations are leakage and dielectric absorption. Leakage causes the device to slowly
discharge when in the hold mode; dielectric absorption causes the new voltage to
creep back toward the previous voltage after the capacitance is subjected to a rapid
voltage change. This sagback effect, stemming from charge storage phenomena in
the bulk of the dielectric, can be modeled with a series of intemal R-C stages, each
in parallel with Cp. Referring 10 the first-order model of Fig. 9.42a, we observe
that even though Cp discharges almost instantaneously when SW is closed, Cpa
will retain some charge because of the series resistance Rpa. After SW is opened,
Cpa will transfer part of its charge back to Cyy to achieve equilibsium, thus causing
the sagback effect depicted in Fig. 9.42b. Though more than one time constant may
intervene in the sag, a single time constant is often sufficient to characterize the sag,
with Cp, typically one or more orders of magnitude smaller than Cyr, and a time
constant ranging from fractions of a millisecond to fractions of a second. Capacitor
types are available with low leakage and low dielectric absorption. These include
polystyrene, polypropylene, and Teflon types.’

Printed-circuit board leakage is minimized by input guarding techniques of the
type discussed in Section 5.3. In the present circuit the ring is driven by v and is
made to surround all traces associated with the noninverting input of OA3, as shown
In the practical example of Fig. 9.43.

. AFET-input op amp is often chosen for OA» to take advantage of its low-input-
bias-current characteristics. However, this current doubles with about every 10 °C
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FIGURE 9.43
Peak detector for extended hold.

increase, soif an extended range of operating temperatures is anticipated, a BJT-input
op amp with ultralow-input bias current may be preferable.

When reverse biased, a diode draws a leakage current that also doubles with
every 10 °C increase. The circuit of Fig. 9.43 eliminates the effect of diode leakage
by using a third diode D3 and the pullup resistance Rz. During the track mode, the
Dr-D5 pair acts as a unidirectional switch, but with a voltage drop twice as large.
During the hold mode, R; pulls the anode of D to the same potential as the cathode,
thus eliminating D3’s leakage; the reverse bias is sustained solely by D;.

A similar technique can be used to minimize reset-switch leakage. In the exam-
ple shown, this switch is implemented with two 3N163 enhancement p-MOSFETs
(Siliconix). Applying a negative pulse to their gates turns both FETs on and also
discharges Cy. Upon pulse removal both FETs go off; however, with R pulling
the source of M; 1o the same potential as the drain, M) 's leakage is eliminated; the
switch voltage is sustained solely by M. If TTL compatibility is desired, one can
use a suitable voltage-level translator, such as the DH0034 (National Semiconduc-
tor).

A good choice for the op amps of Fig. 9.43 is a dual JFET-input device such as
the precision, high-speed OP-249 op amp (Analog Devices). The diodes can be any
general-purpose devices, such as the 1N914 or 1N4148 types, and suitable values
for the various resistances are in the 10-k range. The purpose of C, typically
in the range of a few tens of picofarads, is to stabilize the capacitively loaded op
amp OA) during the track mode. C g shouid be large enough to reduce the effect of
leakage, yet small enough to atlow for its rapid charge during fast peaks. A reasonable
compromise is typically in the 1-nF range.

Speed Limitations

Peak-detector speed is limited by the slew rates of its op amps as well as the max-
imum rate at which OA; can charge or discharge Cq. The latter is Io;;/Cq, where

Isc1 is the short-circuit output current of QA ). For instance, with Cy = 0.5 nF, an op
amp having SR =30 V/us and Ioc; =20 mA gives Iy | /Cygy = 40 V/us, indicating
that speed is limited by SR ;. However, with Cyy = | nF, we get I;c; /Cr =20 Vius,
indicating that speed is now limited by I;c|. The output current drive of OA| can be
boosted by replacing D3 with the B-E junction of an npn BJT, whose collector is
returned to Ve via a series resistance on the order of 102 € to limit current spikes
below a proper safety level.

9.7
SAMPLE-AND-HOLD AMPLIFIERS

It is often necessary to capture the value of a signat in response to a syitable logic
command, and hold it until the arrival of a new capture command. We have been
exposed to this concept in Chapter 5 in connection with autozeroing amplifiers,
where the signal in question is an offset-nulling voltage. Other examples will be
encountered in Chapter 12 in connection with A-D and D-A converters.

A sample-and-hold amplifier (SHA) is a circuit in which the value of the
input signal is captured instantaneously, as shown in Fig. 9.44a. Though mathe-
matically convenient in sampled-data theory, instantaneous capture is unfeasible
because of inherent dynamic limitations of physical circuits. Rather, a practical
circuit is made to track the input for a prescribed time interval, and then hold its
most recent value for the remainder of the cycle. The timing of the track-and-
hold amplifier (THA) is shown in Fig. 9.44b. In spite of the obvious differences
between the diagrams, engineers use the designations SHA and THA interchange-
ably.
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FIGURE 9.44
Idealized responses of (a) the sample-and-hold amplifier (SHA), and () the track-and-hold
amplifier (THA).
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Basic track-and-hold amplifier.

Figure 9.45 shows one of the most popular THA topologies. The circuit is
reminiscent of the peak detector, except for the replacement of the diode ‘swich
with an extemally controlled bidirectional switch to charge as well as discharge Chn,
depending on the case. The circuit operates as follows.

During the track mode, SW is closed to create the feedback path SW-OA>-R
around OA1. Due to the low voltage drop across SW, both diodes are off, indicating a
0-V drop across R. OA; thus acts as a voltage follower, providing Cy with whatever
current it takes to make vp track v;.

During the hold mode, SW is opened, allowing Cy to retain whatever voltage
it had at the instant of switch aperture; OA; then buffers this voltage to the outside.
The function of Dy and Dy is to prevent OA; from saturating, and thus facilitate
OA,’s recovery when a new track command is received.

The switch is usually a JFET, a MOSFET, or a Schottky diode bridge, and
is equipped with a suitable driverto make the T/H command TTL- or CMOS-
compatible. The main requirements of OA are (a) low-input dc error, (b) adequate
output current capability to rapidly charge or discharge Cy, (c) high open-loop
gain to minimize the gain error and errors due to the voltage drop across SW
and OA,'s input offset voltage, and (d) proper frequency compensation for suf-
ficiently fast dynamics and settling characteristics. Compensation is often imple-
mented with a bypass capacitance of a few tens of picofarads in parallel with the
diodes. The requirements of OA7 are (a) low-input bias current to minimize droop,
and (b} adequately fast dynamics. As in the peak-detector case, Cy should be a
low-leakage, low-dielectric-absorption capacitor, such as Teflon or polystyrene.:’ Its

value is chosen as a comprémise between low droop and rapid charge/discharge
times.

The basic THA of Fig. 9.45 can be implemented with individual op amps and
passive components, or it can be purchased as a self-contained monolithic IC. A
popular example is the LM398 BiFET THA (National Semiconductor).

THA Performance Parameters

In the track mode, a THA is designed to behave like an ordinary amplifier, so its
performance is characterized in terms of the dc and gain errors, the dynamics, and
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THA terminology.

other parameters peculiar to amplifiers. However, during the transition from the track
to the hold mode and vice versa, as well as during the hold mode itself, performance
is characterized by specifications peculiar to THAs. The following list uses the
expanded timing diagram of Fig. 9.46 as a guideline.

1. Acquisition Time (1aq). Following the track command, v starts slewing toward
vi, and £5q is the time it takes for v ¢ to begin tracking v; within a specified error
band after the inception of the track command. This includes propagation delays
through the switch driver and the switch, and delays due to slew-rate limiting
and settling times of the op amps. The acquisition time increases with the step
magnitude as well as the narrowness of the error band. Usually raq is specified
for a 10-V step and for error bands of 1%, 0.1%, and 0.01% of full scale. The
input must be fully acquired before switching to the hold mode.

2. Apf.’rture Time (rap). Because of propagation delays through the driver and the
switch, v will cease tracking v; some time after the inception of the hold com-
mand. This is the aperture time. The hold command would have to be advanced
by tap for precise timing.

3. 4pe:.-mn' Uncertainty (Atap). Also called aperture jitter, it represents the varia-
flon in aperture time from sample to sample. If 14 p is compensated for by advanc-
ing the hold command by r5p, then Arap establishes the ultimate timing error
?‘nd, hence, the maximum sampling frequency for a given resolution. Aperture
jitter results in an output error Avg = (dv|/d1)Atap, indicating that the actual
sampled-waveform can be viewed as the sum of an ideally sampled waveform
a{ld a noise component. The signal-lo-noise ratio of an otherwise ideal sampling
circuit with a sinusoidal input of frequency f; is*

SNR = —20logo(27 f; Atap(ems)) 9.24)
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4. Hold Mode Settling Time (15). After the inception of the hold command, it takes 1 = Amplifiers

some time to settle within a specified error band, such as 1%, 0.1%, or 0.01%.
This is the hold mode settling time.

5. Hold Step. Because of parasitic switch capacitances, when the circuit is switched
to the hold mode there is an unwanted charge transfer between the switch driver
and Cy, causing a change in the voltage across Cy. The corresponding change
Avp is referred to as hold step, pedestal error, or sample-to-hold
offset.

6. Feedthrough. When in the hold mode, v g should be independent of any variations
in vy In practice, because of stray capacitance across SW, there is a smatl amount
of ac coupling from v to v called feedthrough. This capacitance forms an
ac voltage divider with Cy, so an input change Av; causes an output change
Avg = [Csw/(Csw + Cy)lAvy, where Csw is the capacitance across the
switch. The feedthrough rejection ratio

Avy
FRR = 20log —— .
R '20 og Avo 9.25)

gives an indication of the amount of stray coupling. For example, if FRR = 80dB,
a hold mode change Av; =10 V results in Avg = Avy/1080/29 = 10/10% =
I mV.

7. Voltage Droop. THAs are subject to the same droop limitations as peak detectors.
Droop is of special concern when C i must be kept low to ensure a fast acquisi-
tion.

In the case of a JFET switch, feedthrough is due to the drain-source capacitance
Cls, and the hold step is due to the gate-drain capacitance Cpy. (For discrete devices,
these capacitances are typically in the picofarad range.) As the driver pulls the gate
from near vo to near Vg, it removes the charge AQ = Cga(Vee — vo) from Cyy,
causing a hold step

Cga
Avp = — 80 (Vgp— 9.26
vo Cg,;+CH( EE — v0) (9.26)
This step varies with vg. For example, with C;z = | nF and Vgg = —15 V, the

hold step for every picofarad of Cpg is about —15 mV/pF for vg = 0, —20 mV/pF
forvp =35 V,and =10 mV/pF for vp = —5 V. A Cggq of just a few picofarads can
cause intolerable errors!

There are various techniques for minimizing the signal-dependent hold step.
One such technique is to implement the switch with the CMOS transmission gate
of Fig. 9.39a. Since the two FETs are driven in antiphase, one FET will inject and
the other will remove charge, and if their geometries are properly scaled, the two
charges will cancel each other out.

An alternative technique’ is depicted in Fig. 9.47. As the circuit goes into hold,
OA4 produces a positive-going output swing that, by the superposition principle,
depends on vg as well as on the negative step on the switch gate. This swing is

N\ INS432 OA, 0 vy
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FIGURE 9.47
A 5-MHz THA with charge-transfer compensation to minimize the hold step. (Courtesy of
Linear Technology.)

designed to inject into Cy, via C3, a charge packet of magnitude equal to that
removed via Cgg, thus resulting in a net charge transfer of zero. The hold step is
made independent of vp with Ry, and adjusted to zero via Ryo. To calibrate the
circuit, adjust Ry for equal hold steps with v; = +35 V; then, null the residual offset
via R|p.

‘To achieve high speed, the circuit utilizes fast op amps and boosts OA with the
LT1010 fast power buffer to rapidly charge and discharge Cy in the track mode.
Moreover, by using local feedback around the OA |-0A; pair, the settling dynamics
of the input and output stages are kept separate and simpler. With OA3 no longer
inside the control loop, its input offset voltage is no longer irrelevant; however, its
offset as well as that of the input buffer are automatically compensated for during
calibration of Ryg. For long hold periods, OA; can be replaced by a FET-input device
such as the LF356 to reduce droop. -

Charge compensation can be simplified considerably if the switch is operated in
a virtual-ground arrangement. This is the case with THAs of the integrating type,*
so-called because the holding capacitor is placed in the feedback path of the output
amplifier, as exemplified in Fig. 9.48. Since the switch always sees a virtual ground,
the charge removed from the summing junction via Cpy is constant regardless of v .
Consequently, the hold step appears as a constant offset that can easily be nulled by
standard techniques, such as adjusting the offset of OA |, as shown. With an easier-
to-compensate hold step, the holding capacitance can be reduced significantly to
achieve faster acquisition times. The HA-5330 high-speed monolithic THA (Harris)
uses a 90-pF holding capacitance to achieve rag = 400 ns to 0.01%.
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FIGURE 9.48
Integrating-type THA.

Figure 9.49 shows an improved integrating-type THA that simultaneously opti-
mizes droop, hold step, and feedthough. During the track mode, SW; is open while
SW, and SW, are closed. In this mode the circuit operates just as in Fig. 9.48,
with v slewing toward —v;. During the hold mode, SW) and S W are open while
SW1y is closed, causing the circuit to hold whatever voltage it acquired during sam-
pling. Note, however, that by grounding the input to the buffer via SW, any vari-
ations in v are muzzled, thus improving the FRR significantly. Moreover, since
both SW, and SW; experience a voltage drop very close to zero, swilch leakage is
virtually eliminated. The main source of leakage is now the input bias current of
OA. However, retuming its noninverting input to a dummy capacitance C of size
equal to Cy produces a hold step and a droop that, to a first approximation, will
cancel out the hold step and droop of Cy. An example of a THA utilizing this tech-
nique is the SHC803/804 (Burr-Brown), whose typical ambient-temperature ratings
are: fpq = 250 ns and {5 = 100 ns, both to 0.01%; top = 15 ns; Atap = £15 ps;
FRR = £0.005%, or 86 dB; hold mode offset = £2 mV; droop rate = +0.5 uV/us.

R i 1:

FIGURE 9.4%
Improved THA. (Switch settings shown for the hold mode.)

THAs are available from a variety of sources and in a wide range of perfor-
mance specifications and prices. Consult the catalogs to familiarize yourself with
the available products.

PROBLEMS

9.1 Voltage comparators

9.1 (a)Usinga311 comparator powered from £15-V regulated supplies, design a threshold
detector such that vo 20V forvy > 1 V,and vg 2 5V for v; < 1 V. (b) Repeat, but
withvg = ~15Vforv; >5V,andvp =0V forv, <5V.

9.2 Comparator applications

9.2 The thermal characteristic of a certain class of thermistors can be expressed as R(T') =
R(To)exp{B(}/T — 1/Ty)), where T is absolute temperature, Ty is some reference
temperature, and 5 is a suitable constant, all three parameters being in kelvins. Using
a single comparator of the 339 type and a thermistor having R(25 °C) = 100 k2 and
B = 2000 K, design a bridge comparator circuit that gives vo = Voy for T > 100 “C,
andvo = Vg for T < 100 °C, Assuming 10% component tolerances, make provision
for the exact adjustment of the setpoint, and outline the calibration procedure.

9.3 Using an op amp, two comparators of the 339 type, a 2N2222 npn BIT, and resistors
as needed, design a circuit that accepts a data input v; and a control input V¢ > 0,
and causes a 10-mA, 1.5-V LED to glow whenever —Vy < v; < Vr. Assume £15-V
regulated supplies.

9.4 Using two comparators of the 339 type and a thermistor of the type of Problem 9.2
with R(25 °C) = 10 k2 and B = 4000 K, design a circuit that yields vp = 5 V for
0°C<T 55°C, andvg = 0V otherwise. Assume a single 5-V regulated supply.

9.5 Show that the window detector of Fig. P9.5 has a window whose center is controlied
by vi and whose width is controlled byiv,; then sketch and label the VTC if vi=3V
andv;=1V.

5v
R R ?
vy R N 2 R

Vi R

V2 R

FIGURE P9.5
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444 9.6 Using three comparators of the 339 type, an LM385 2.5-V reference diode, an HLMp.
4700 LED of the type of Example 9.2, and resistors as needed, design a circuit that
monitors a |5-V % 5% power supply and causes the LED to glow whenever the Supply
is within range.

CHAPTER 9
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9.7 Using an LM385 2.5-V reference diode, an LM339 quad comparator, and four HLMP.
4700 LEDs of the type of Example 9.2 design a 0-V 10 4-V bar graph meter. The circuj(
must have an input impedance of at least 100 kS2 and must be powered from a single
5-V supply.

9.8 Using a 311 comparator powered from +15-V regulated supplies, design a circuit thay
accepts a triangular wave with peak values of £10 V, and genetates a square wave with
peak values of £5 V and duty cycle I variable from 5% to 95% by means of a 10-k
potentiometer.

9.3 Schmitt triggers

9.9 In the circuit of Fig. 9.20a let v; be a triangular wave of +10 V peak values and Je
- Vi = 113 V. Modify the circuit so that the phase of its square-wave output, relative
to that of the input, is variable from 0° to 90° by means of a 10-k2 potentiometer. Show

the input and output waveforms when the wiper is in the middle.

9.10 (u) Derive Eq. (9.14). (b} Specify suitable resistances in the circuit of Fig. 9.23 to
achieve Vo, =0V, Voy =5V, Vi = 1.5V, and Vi = 2.5 V with Vee = 5 V. Try
minimizing the effect of the input bias current.

9.11 Assuming Vpiny = 0.7 V and £V, = £13V, sketch and label the VTC of the inverting
Schmitt trigger of Fig. P9.11.

+15V
C

Yo

1k

Q
-5V

FIGURE P9.11

9.12 (a) Assuming the op amp of Fig. 9.20a saturates at +13 V, sketch and label the
VTC if a resistance Ry = 33 k2 is connected between the nodes labeled vp and
—15 V. (b) Suitably modify the circuit of Fig. 9.21a so that it gives Vy =1V and
Vip=2V.

9.13 (a) Using CMOS inverters of the type shown in Fig. 10.11, along with resistances in the
10-kQ2 to 100-kS2 range, design a noninverting Schmitt trigger with Vo, = (1/3)Vop and

Vra = (2/3) Vo, assume Vi =0.5Vpp. (b) Modify the circuit so that Vi = (1/5)Vop
and Vi = (1/2)Vpp. (c) How would you turn the preceding circuits into Schmitt trig-
gers of the inverting type?

9.14 Suitably modify the circuit of Problem 9.2 to ensure a hysteresis of 40.5 °C. OQutline
the calibration procedure.

9.15 In the Schmitt trigger of Fig. 9.20¢ let the input v; be applied to the inverting-input pin
via a voltage divider made up of two 10-kS2 resistances, let R| be replaced by the series
combination of two 4.3-V Zener diodes connected back to back anode with anode, and
let the output vo be obtained at the node where R; joins the Zener network. Draw the
circuit. Hence, assuming a 0.7-V forward-bias diode voltage drop, sketch and label
the VTC. *

9,16 In the circuit of Fig. P1.18 let the source be a variable source, denoted as ip, and let the
op amp saturate at £10 V. (a) Sketch and label v, versus i; for i; variable over the
range —1 mA < i; < | mA. (b) Repeat, but with a 2-kS2 resistor in parallel with i;,
and for i; variable over the range —2 mA < i; < 2 mA. Hint: Take into account the
considerations made in connection with Eq. (1.76).

9.17 A circuit consists of a 311 comparator and three equal resistors, R, =Ry =Ry =
10 k2. The 311 is powered between 15 V and ground, and has Veggogicy = 0. More-
over, R is connected between the 15-V supply and the noninverting-input pin, R;
between the noninverting-input pin and the open-collector output pin, and R3 between
the open-collector output pin and ground. Moreover, the input v; is applied to the
comparator’s inverting-input pin. Draw the circuit, and sketch and label its VTC if the
output v is obtained from: (a) the node where R, joins R;; (b) the node where R;
joins Ry.

9.18 Consider the circuit obtained by removing R, C, and OA from Fig. 10.19a. What is
left then is a noninverting Schmitt trigger, whose input is the node labeled as vyg, and
whose output is the node labeled as vsq. Sketch and label its VTIC if R; = 10k,
Ry = 13kQ, Ry = 4.7k, and the Zener diode is a 5.1-V device; assume forward-bias
diode voltage drops of 0.7 V.

94 Precision rectifiers

999 Sketch and label the VTC of the circuit of Fig. 9.29a if R, = 2R, and the noninverting
input of the op amp is lifted off ground and returned to a —5-V reference voltage. Next,
sketch and label v if v; is a triangular wave witlrpeak values of +10 V.

9.20 Sketch and label the VTC of the circuit of Fig. 9.29aif R) = R; = 10k€2, and a third
resistance Ry = 150k$2 is connected between the 4 15-V supply and the inverting-input
pin of the op amp. (b) Repeat, but with the diode polarities reversed,

9.21 One side of a 10-k$2 resistance is driven by a source v;, and the other side is left floating.
Denoting the voltage at the floating side as vo, use a superdiode circuit to implement
2 variable precision clamp, that is, a circuit that gives v = v; for v; < Velamp and
Vo = Voiump for v > Viamp, Where Vi is a continuously adjustable voltage from 0
t0 10 V by means of a 100-k$2 pot. Assume +15-V regulated supplies. List advantages
and drawbacks of your circuit.
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9.22 Suitably modify the FWR of Fig. 9.30 so that, when fed with a triangular wave of £5-V
peak values, it gives a triangular wave of +5-V peak values, but twice the frequency.
Assume regulated +15-V supplies.

9.23 Assuming B, = R; = R, = 10 kQ and Ry = 20 k2 in the FWR of Fig. 931, find
all nede voltages for v; = 10 mV, 1 V, and —1 V. Fora forward-biased diode, assume

vp = (26 mV) Infip/(20 fA)].

9.24 Discuss the effect of resistance mismatches in the FWR of Fig. 9.31, and derive an
expression for 100|(A, — A,)/Al. Compare with the FWR of Fig. 9.30, and comment.

9.25 Consider the circuit obtained from that of Fig. 9.31 by grounding the left terminals of
R, and Ry, lifting the noninferting input of OA, off ground and driving it with source
v;. (@) Show that the modified circuit gives vy = Apvy forv; > Oand vp = —A,vy
for vy < 0, where A, = 1 + (R2 + R3)/Ry and 4, = Ry/Rz. (B) Specify component
values for vo = 5|v;|. List advantages and disadvantages of this circuit.

9.26 Consider the circuit obtained from that of Fig. 9.31 by removing R\, grounding the
\eft terminal of Ry, lifting the noninverting input of OA; off ground and driving it
with source v;. Analyze the modified circuit if R; = Ry = R. Afterward, discuss the
implications of mismatched resistances.

9.27 (a)Find the VTC of the circuit of Fig. P9.27. (b} Assuming £ Vu = +13 Vand Vpioy =
0.7 V;show all node voltages forv, = +3 Vand v, = —5 V. () List advantages and
disadvantages of this circuit.

FIGUREJP9.27

9.28 The circuit of Fig. 9.30 can be urned into a high-input-impedance FWR by lifting both
noninveniing inputs off ground, tying them together, and driving them with a common
input v;; moreover, Ry is removed, and the left terminal of R, is grounded. (a) Assuming
R, = Ry = Ry = R and Rs = 2R, find the VTC of the modified circuit. (b) Assuming
Vbwm = 0.7 V, show all node voltages for vy = +2Vand v, = —3 V. (¢) Investigate
the effect of mismatched resistances.

9.29 (@) Find the VTC of the circuit of Fig. P9.29; then, assuming Vpom = 0.7 V, show all
node voltages for v; = +1 V and v; = —3 V. (b) Suitably modify the circuit so that it
accepts two inputs vy and vy, and gives vp = |vi + w2l

" ‘ jFD'
' B B

FIGURE P%.29

i

9.30 Investigate the effect of the input offset voltages Vps and Vosz of OA| and OA; in the
FWR of Fig. 9.30.

9.5 Analog switches

9.31 Using a 311 comparator, a 2N4391 n-JFET, and a 741 op amp, design a circuit that
accepts an analog signal v, and two control signals v, and v,, and yields a signal v, such
that vy = 10v; for vy > vz, and vy = —10v; for v| < vo. Assume +15-V supplies.

9.32 For small values of |vpg|, the channel resistance of a MOSFET can be found as
L/ rasiony = k(lvgs| = |Visiom |}, where & is called the device transconductunce puram-
eter; in amperes per square volt. Assuming +5-V supplies in the transmission gate of
Fig. 9.39a, and truly complementary FETS with k = 100 uA/V? and | Vigon| = 2.5V,
find the net switch resistance forv; = £5V, £2.5V, and 0 V. What are the correspond-
ing values of vy if Ry = 100 kQ2?

9.6 Peak detectors

9.33 Consider the circuit obtained from lhiu of Fig. 9.40b by returning the noninverting
input‘ of A to ground, and applying the source v, to the inverting input of OA; via
a series resistance having the same value as the feedback resistance R. Discuss how
the modified circuit operates, and show its response to a sinusoidal input of increasing
amplitude.

9.34 Design a peak-to-peak detector, that is, a circuit that gives v = Vimax) — Vigming.

9.35 Using the circuit of Fig. 9.29a as a starting point, design a circuit 1o provide the mag-
nitude peak-detector function, vp = v/ |max.

9.36 Three superdiodes of the type of Fig. 9.27 are driven by three separate sources vy, v,, and
v3, and their outputs are tied together and returned to — 15 V via a 10-kS2 resistor. What
function does the circuit provide? What happens if the diode polarities are reversed? If
the node common to the outputs is returned to the node common to the inverting inputs
via a voltage divider?

9.7 Sample-and-hold amplifiers

9.37 Suitably modify the THA of Fig. 9.45 for a gain of 2 V/V. What is the main disadvantage
of the modified circuit, and how would you take care of it?
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448 9.38 In the THA of Fig. 9.48 let Coy = 1 pF, Cy = 1 nF, and let the net leakage current
through Cy be | nA, flowing from right to left. Assuming v; = 1.000 V, find v,
{a) shortly after the circuit is switched to the hold mode, and (b) 50 ms later.

CHAPTER 9
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9.39 The THA of Fig. P9.39 uses a feedback capacitor Cr = Cy to provide a first-order
compensation for the droop due to leakage in Cy. (@) Explain how the circuit works.
What are the functions of the p-channel JFET J; and the n-channel JFETs J, and J4?
(b) Assuming an average leakage of | nA in each capacitor and a leakage mismatch
of 5%, estimate the voltage droop for the case C, = Cyx = | nF. What would be the
leakage if Cr were absent and replaced with a wire?

+I15V
T’“J_L ISV

FIGURE P9.39
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The circuits investigated so far can be categorized as processing circuits because
they operate on existing signals. We now wish to investigate the class of circuits
used to generate the signals themselves. Though signals are sometimes obtained
from transducers, in most cases they need to be synthesized within the system. The
generation of clock pulses for timing and control, signal carriers for information
transmission and storage, sweep signals for information display, test signals for
automatic test and measurement, and audio signaf§ for electronic music and speech
synthesis are some of the most common examples.

The function of a signal generator is to produce a waveform of prescribed char-
acteristics such as frequency, amplitude, shape, and duty cycle. Sometimes these
characteristics are designed to be externally programmable via suitable control sig-
nals, the voltage-controlled oscillator being the most typical example. In general,
signal generators employ some form of feedback together with devices possess-
ing time-dependent characteristics, such as capacitors. The two main categories of
signal generators that we shall investigate are sinusoidal oscillators and relaxation
oscillators.
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Sinusoidal Oscillators

These oscillators employ concepts from systems theory to create a pair of conjugate
poles right on the imaginary axis of the complex plane to maintain sustained sinu-
soidal oscillation. The specter of instability that was of so much concern in Chapter 8
is now exploited on purpose to achieve predictable oscillation.

The sinusoidal purity of a periodic wave is expressed via its total harmonic

distortion

THD (%) = 100/D3 + D} + D} + -~ (10.1)

where Dy (k = 2,3,4,...)4s the ratio of the amplitude of the kth harmonic to
that of the fundamental in the Fourier series of the given wave. For instance, the
triangular wave, for which Dy =1/k%, k=3,5,7,..., has THD=100x
VI3 1554 1/7% 4 - = 12%, indicating that as a crude approximation to a
sine wave, a triangular wave has a THD of 12%. On the other hand, a pure sine wave
has all harmonics, except for the fundamental, equal to zero, so THD = 0% in this
case. Clearly, the objective of a sine wave generator is to achieve a THD as low as

possible.

Relaxatidn Oscillators

These oscillators employ bistable devices, such as switches, Schmitt triggers, logic
gates, and flip-flops, to repeatedly charge and discharge a capacitor. Typical wave-
forms obtainable with this method are the triangular, sawtooth, exponential, square,
and pulse waves. As we proceed, we shall often need to find the time At it takes to
charge (or discharge) a capacitance by a given amount Av. The two most common
forms of charge/discharge are linear and exponential.

When driven with a constant current I, a capacitance C charges or discharges ata
constant rate, yielding a linear transient or ramp of the type of Fig. 10.1a. Engineers

FIGURE 1.1
Linear and exponential waveforms.

v

often describe this ramp via the easy-to-remember relationship
CAv = IAt

or “cee delta vee equals aye delta tee.” This allows us to estimate the time it takes to
effect a constant-rate change Av as

c

An exponentigl transient occurs when C is charged or discharged via a series
resistance R. With reference to Fig. 10.1b, the instantancous capacitance voltage is

v(t) = Voo + (Vo — Vo) explit — 19)/1]

where Vj is the initial voltage, Vi is the steady-state voltage that would be reached
in the limit t — 0o, and T = RC is the time constant governing the transient. This
equation holds regardless of the values and polarities of Vg and V.. The transient
reaches a specified intermediate value V) at an instant 1, such that Vi= Voot (Vo—
Voo)expl(ty — 10)/7]. Taking the natural logarithm of both sides and solving for
At = ¢y — 1 allows us to estimate the time it takes to charge or discharge C from
Voto V) as

At=tln ———ur
v (10.3)

As we proceed, we shall make frequent use of these equations.

10.1
SINE WAVE GENERATORS
{

The sine wave is certainly one of the most fundamental waveforms— both in a math-
ematnc.al sense, since any other waveform can be expressed as a Fourier combination
of basic sine waves, and in a practical sense, since it finds extensive use as a test,
fefer_enoe, and carrier signal. In spite of its simplicity, its generation can be a chal-
lenglr}g task _if nhear-purity is sought. The op amp circuits that have gained the most
Prominence in sine wave generation are the Wien-bridge oscillator and the quadra-
ture qscillalon: to be discussed next, Another technique, based on the conversion of
the triangular to the sine wave, will be discussed in Section 10.4.

Basic Wien-Bridge Oscillator

T"he circuit of l—jig. 10.22 uses both negative feedback, via R, and R, and posi-
tive feedback, via the series and parallel RC networks. Circuit behavior is strongly
;fgecled by whether positive or negative feedback prevails, The components of the

networks need not be equal-valued; however, making them so simplifies analysis
a3 well as inventory.
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FIGURE 10.2
Wien-bridge circuit and its loop gain T(jf) for the case R2/R, = 2.

The circuit can be viewed as a nopinverting amplifier that amplifies Vp by the
amount ’

A=—=14+—

v, + R, (10.4)
where we are assuming an ideal op amp for simplicity. In tumn, V) is supplied by
the op amp itself via the two RC networks as Vp = [Z,/(Zp + Z;)]V,, where
Zp=RI(1/j2nfC)and Z; = R+ 1/j2r fC. Expanding, we get

V, 1
B(ify = =— (10.5
Vo = 3% 3010~ ol ’
where fy = |/2x RC. The overall gain experienced by a signal in going around the
loopis T(jf) = AB, or

1+ Ry/Ry
3+ jf1fa— fol D

This is a band-pass function since it approaches zero at both high and low frequencies.
Its peak value occurs at f = fp and is

T(jfy= (10.6)

. I+ Ry/R
T(ifo) = %/‘ (10.7)

The fact that T(jf) is real indicates that a signal of frequency fy will experience
a net phase shift of zero in going around the loop. Depending on the magnitude of
T(jf ). we have three distinct possibilities:

1. T(jfy) < 1, thatis, A < 3 V/V. Any disturbance of frequency f; arising at the
input of the op amp is firstamplified by A < 3 V/V,and then by B(if,) = :'; ViV,
for a net gain of less than unity. Intuition tells us that this disturbance lessens
each time it goes around the loop until it eventually decays to zero. We can state
that negative feedback (via R; and R)) prevails over positive feedback (via Z;

and Zp), resulting in a stable system. Consequently, the circuit poles lie in the
left half of the complex plane.

2. T(jfg) > 1, thatis, A > 3 V/V. Now positive feedback prevails over negative
feedback, indicating that a disturbance of frequency fp will be amplified regen-
eratively, causing the circuit to break out into oscillations of growing magnitude.
The circuit is now unstable, and its poles lie in the right half of the complex plane.
As we know, the oscillations build up until the saturation limits of the op amp are
reached. Thereafter, vp will appear as a clipped sine wave when observed with
the oscilloscope or visualized via PSpice.

3. T(jfo) = 1,0or A = 3 VIV exactly, a condition referred to as neutral stability
because positive and negative feedback are now applied in equal amounts. Any
disturbance of frequency fp is first amplified,by 3 V/V and then by % ViV,
indicating that once started, it will be sustained indefinitely. As we know, this
corresponds to a pole pair right on the jow axis. The conditions <7 (jf ) = 0°and
IT(jfg)| = 1 are together referred to as the Barkhausen criterion for oscillation
at f = fo. The band-pass nature of T(jf) allows for oscillation to occur only
at f = fp; any attempt to oscillate at other frequencies is naturally discouraged
because LT 3 0° and |T'| < | there. By Eq. (10.7), neutral stability is achieved
with

R
=22 (10.8)
R
1t is apparent that when this condition is met, the components around the op amp
form a balanced bridge at f = f.

In a real-life circuit, component drift makes it difficult to keep the bridge exactly
balanced. Moreover, provisions must be made so that {(a) oscillation starts sponta-
neously at power turn-on, and (b) its amplitude is kept below the op amp saturation
limits to avoid excessive distortion. These objectives are met by making the ratio
R2/ R\ amplitude-dependent such that at low signal levels it is slightly greater than 2
to ensure oscillation start-up, and that at high signal levels it is slightly less than 2 to
limit amplitude. Then, once the oscillation has started, it will grow and automatically
stabilize at some intermediate level where R/ R = 2 exactly.

Amplitude stabilization takes on many forms, all of which use nonlinear ele-
ments to either decrease Ry or increase Ry with signal amplitude. To provide an
intuitive basis for our discussion, we shall continue using the function T (jf), butin
an incremental sense because of the nonlinearity now present in the circuit.

-

Automatic Amplitude Control

The circuit of Fig. 10.3a uses a simple diode-resistor network to control the effective
value of R,. At low signal levels the diodes are off, so the 100-k2 resistance has
no effect. We thus have Rz/R) = 22.1/10.0 = 2.21, or T (jfg) = (1 + 2.21}/3 =
1.07 > 1, indicating oscillation buildup. As the oscillation grows, the diodes are
gradually brought into conduction on alternate half-cycles. In the limit of heavy
diode conduction, Ry would effectively change to (22.1 || 100) = 18.1 k<2, giving
T(jfg) = 0.937 < 1. However, before this limiting condition is reached, amplitude
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FIGURE 1.3

Practical Wien-bridge oscillators.

will automatically stabilize at some intermediate level of diode conduction where
Ry/ Ry = 2exactly, or T(jf) = 1. The process can be visualized via PSpice using
the following file.

Wien-Bridge Oscillator:
£p 3 0 1loF IC=0V

Rp 3 0 158k

Cs 3 36 1nP ICsOV

Re 36 6 158k

R1 2 0 10k

R2 2 6 22.1k

Rl 2 26 100k

D1 26 6 DIRd14A

D2 6 26 DIN414O

.model DIN4148 D(Is=0.1p Reml§ CJO=3p Tt=1lln Bves100 Ibv=0.1p)
.11b eval.lib

XOMh 3 27 4 6 vamdl

vee 7 0 de 15V

VERE & 0 dc -15V

.tran S0us 15as Oms S0us UIC
.probe

.end
-

As shown in Fig. 10.4, the output stabilizes automatically at a peak amplitude Vo =
1.5V,

A disadvantage of the above circuit is that V,, is quite sensitive to variations in
the diode-forward voltage drops. The circuit of Fig. 10.3b overcomes this drawback
by using an n-JFET as the stabilizing element.! At power turn-on, when the 1-uF
capacitance is still discharged, the gate voltage is near 0 V, indicating a low chan-
nel resistance. The JFET effectively shorts the 51-kSQ resistance to ground to give
Ry/R1 =20.0/(11.0451)=2.21 > 2, so oscillation starts to build up. The diode
and the |-uF capacitance form a negative peak detector whose voltage becomes
progressively more negative as the oscillation grows. This gradually reduces the

FIGURE 10.4
Using PSpice to display the output of the circuit of Fig. 10.3a.

conductivity of the JFET until, in the limit of complete cutoff we would have
Ry/R) =20.0/11.0=1.82 < 2. However, amplitude stabilizes automatically at
some intermediate level where Rz/R) =2 exactly. Denoting the corresponding
gate-source voltage as Vgs(crit), and the output peak amplitude as V,,,, we have
—Vom = VGs(eriy — Vb(on)- For instance, with Vgs(criy = —4.3 V we get ¥,y =
43407=5V.

Figure 10.5 shows yet another popular amplitude-stabilization scheme,? this
time using a diode limiter for easier programming of amplitude. As usual, for low
output levels the diodes are biased in cutoff, yielding Ro/R; = 2.21 > 2. The
oscillation grows until the diodes become conductive on alternate output peaks.
Thanks to the symmetry of the clamping network, these peaks are likewise sym-
metric, or +V,,,. To estimate V,,,, consider the instant when D; starts to conduct.
Assuming the current through Dy is still negligible, and denoting the voltage at
the anode of D as V2, we use KCL to write (Vo — V2)/R3 =[V2 — (—~Vs)I/Rs,
where V3 = V, + Vpa(on) Z Vom/3 + Vp2(on)- Eliminating V3 and solving gives

(o R +Vy
—N—
[ R,
(o R »i

R,
R, Ry '%
I: 10.0kQ 22.1kQ -Vy
FIGURE 10.5

Wien-bridge osciliator using a limiter for
amplitude stabilization.
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Vom = 3[(1 + Ra/R3)Vp2(on) + Vs1/(2Ra/ R3 — 1). For example, with R3 = 3k,
Ry =20kQ, Vs =I5V, and Vp(gny = 0.7 V, we get V,,, =5V,

Practical Considerations

The accuracy and stability of the oscillation are affected by the quality of the pas-
sive components as well as op amp dynamics. Good choices for the elements in
the positive-feedback network are polycarbonate capacitors and thin-film resistors.
To compensate for component tolerances, practical Wien-bridge circuits are often
equipped with suitable trimmers for the exact adjustment of fj as well as THD
minimization. With proper trimming, THD levels as low as 0.01% can be achieved.!
We observe that because of the filtering action provided by the positive-feedback
network, the sine wave v p available at the noninverting input is generally purer than
vg. Consequently, it may be desirable to use v p as the output, though a buffer would
be needed to avoid perturbing circuit behavior.

To avoid slew-rate limiting effects for a given output peak-amplitude V,,,, the
op amp shoutd have SR > 27 V,p, fo. Once this condition is met, the limiting fac-
tor becomes the finite GBP, whose effect is a downshift in the actual frequency
of oscillation. It can be proved? that to contain this shift within 10% when a
constant-GBP op amp is used, the latter should have GBP > 43 f. To compensate
for this downshift, one can suitably predistort the element values of the positive-
feedback network, in a manner similar to the filter predistortion techniques of
Section 6.6.

The low end of the frequency range depends on how large the components in
the reactive network can be made. Using FET-input op amps to minimize input-
bias-current errors, the value of R can easily be increased to the range of tens of
megohms. For instance, using C = | uF and R = 15.9 M2 gives fo =0.01 Hz.

Quadrature Oscillators

We can generalize the above ideas and make an oscillator out of any second-order
filter that is capable of giving (2 =00 as well as Q < 0. To this end, we first ground
the input, since it is no longer necessary; then, we design for an initially nega-
tive @ to force the poles in the right half of the complex plane and thus ensure
oscillation startup; finally, we include a suitable amplitude-dependent network to
automatically pull the poles back to the jw axis and give Q = o0, or sustained
oscillation.

Of special interest are filter topologies of the dual-integrator-loop type, since
they provide two oscillations in quadrature, that is, with a relative phase shift of 90°.
Figure 10.6 shows how a biquad filter can be turned into a quadrature oscillator. To
save an op amp, OA7 is a noninverting, or Deboo, integrator with fy = 1/27RC,
and it is adjusted to make it slightly regenerative to ensure oscillation startup. At low
signal levels QA is a lossless integrator with fo = 1/2wRC. However, as soon as
signal amplitude has grown enough to activate the diode limiter, OA | becomes lossy.
Thereafter, the loss due to QA will compensate for the regeneration due to OA2,

FIGURE 10.¢
Quadrature oscillator.

thus sustaining oscillation at fy = 1/2xRC. To estimate V,,,, consider the instant
at which v reaches its positive peak. Retracing familiar steps, we use KCL to write
(Vom — Vp2(om))/ R1 = [VD2(on) — (—V5))/ R2, of Vom = Vip(ony + (R /R (Vs +
Vb2(on))- The THD of v is typically of the order of 1%; however, that of v; is lower,
thanks to the additional filtering provided by OA,.

.

10.2
MULTIVIBRATORS

Multivibrators are regenerative circuits intended especially for timing applications.
Multivibrators are classified as bistable, astable, and monostable.

In a bistable multivibrator both states are stable, so external commands are
needed to force the circuit to a given state. This is the popular flip-flop, which in turn
takes on different names, depending on the way in which the external commands
are effected.

An astable multivibrator toggles spontaneously between one state and the other,
without any external commands. Also called a free-running muitivibrator, its timing
is set by a suitable network, usually comprising a capacitor or a quanz crystal.

A monostable multivibrator, also called a one-shor, is stable only in one of its
two states. If forced into the other state via an external command called a trigger,
it returns to its stable state spontaneously, after a delay set by a suitable timing net-
work,

Here we are interested in astable and monostable multivibrators. These circuits
are implemented with voltage comparators or with logic gates, especially CMOS
gates.
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Basic Free-Running Multivibrator

In the circuit of Fig. 10.7a, the 301 op amp comparator and the positive-feedback
resistances R and R, form an inverting Schmitt trigger. Assuming symmetric output
saturation at + Vg = 113 V, the Schmitt-trigger thresholds are also symmetric at
+Vr = £V R1 /(R + Rp) = 15 V. The signal to the inverting input is provided
by the op amp itself via the RC network. )

At power tum-on {¢ =0) v will swing either 10 + Vg or lo —Vs,..., since these
are the only stable states admitted by the Schmitt trigger. Assume it swings to
+Viar, so that v p = + V7. This will cause R to charge C toward Vyy, leading to an
exponential rise in vy with the time constant t = RC. As soonas vy catches up with
vp = Vr, v snaps 1o — Vs, Teversing the capacitance current and alsc_; causing v p
to snap 1o — Vr. So, now vy decays exponentially toward - Vg until it catches up
with vp = — V1, at which point v again snaps to + Vsa, thus repeating the cycle.
It is apparent that once powered, the circuit has the ability to start and then sustain
oscillation, with vp snapping back and forth between +Via and —Viay, and vy
slewing exponentially back and forth between +Vr and — V7. After the power-on
cycle, the waveforms become periodic. )

We are interested in the frequency of oscillation, which is found from the period
T as fy = 1/ T. Thanks to the symmetry of the saturation levels, vo has a duty cycle
of 50%, so we only need to find T/2. Applying Eq. (10.3) with At = T/2, r =RC,
Voo = Vau, Vo = —Vr, and V) = +Vrp, we get

T Via + Vr
— =RChp 21 7%
> RCIn Vo ¥y
Substituting V7 = Vi /(1 + Ra2/Ry) and simplifying finally gives

} i

fo= 7 = Rcm( ¥ 2Ry R2)

With the components shown, fo = 1/(1.62RC). If we use the ratio R, /Ry = 0.859,

then fo = 1/2RC. ) '
We observe that fy depends only on the external components. In pamcular: it

is unaffected by Vs, which is known to be an ill-defined parameter since it varies

(10.9

- Valts

V,. — —

c R

RZ10k0 -
_V'- r-

!
|

@) ()]

FIGURE 10.7
Basic free-running multivibrator.

from one op amp to another and also depends on the supply voltages. Any variation
in Ve will cause Vr to vary in proportion, thus ensuring the same transition time
and, hence, the same oscillation frequency.

The maximum operating frequency is determined by the comparator speed.
With the 301 op amp as a comparator, the circuit yields a reasonably good square
wave up to the 10-kHz range. This can be extended significantly by using a faster
device. At higher frequencies, however, the stray capacitance of the noninverting
input toward ground becomes a limiting factor. This can be compensated by using a
suitable capacitance in paraflei with R;.

The lowest operating frequency depends on the practical upper limits of R and
C, as well as the net leakage at the inverting input node. FET-input comparators may
be a good choice in this case.

Although fq is unaffected by uncentainties in Via, it is ofien desirable to stabilize
the output levels for a cleaner and more predictable square-wave amplitude. This is
readily achieved with a suitable voltage-clamping network. If it is desired to vary
fo. a convenient approach is to use an array of decade capacitances and a rolary
switch for decade selection, and a variable resistance for continuous tuning within
the selected decade.

EXAMPLE 101, Design a square-wave generator meeting the following specifications:
(a) fo must be variable in decade steps from | Hz to 10 kHz; (b) fu must be variable con-
tinuously within each decade interval; (c) amplitude must be £5 V, stabilized. Assume
+13-V poorly regulated supplies.

Solution. To ensure stable 45 V output levels, use a diode-bridge clamp as in Fig. 10.8.
When the op amp saturates at +13 V, current Aows through the path Ry-Dy-Ds-Dy, thus
clamping vo at Vpyon + Vzs + Voatony. To clamp at 5 V, use Vzs = 5 — 2Vpiom =
5—2x% 0.7 =3.6 V. When the op amp saturates at —13 V, current flows through the
path D3-Ds-D;- Ry, clamping vp at —5 V.

R
———
C, R, §
— ——W—\—
XTI 6.2kQ 250k

J:Tﬁ glm é

FIGURE 10.8
Square-wave generator of Example 10.1.
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To vary fo in decade steps, use the four capacitances and rotary switch shown,
To vary fo within a given decade. implement R with a pot. To cope with component
tolerances, ensure an adequate amount of overlap belween adjacent decade intervals.
To be on the safe side, impose a range of continuous variability from 0.5 to 20, that
is, over a 40-to-1 range. We then have Rpx + R = 40R,, or Rpy = 39R,. To keep
input-bias-current ervors low, impose friminy 3> 15, 53y, Irmim = 10 HA. Moreover,
let Ry = Ry = 33kQ, sothat Vy = 2.5 V. Then, Rpax = (5 — 2.5)/(10 x 107%) =
250 k2. Since Ry <« Rpu, use a 250-kQ pot. Then, R, = 250/39 = 6.4 k2 (use
6.2 k).

Tofind C,,impose f = 0.5 Hz with the pot set to its maximum value. By Eq.(10.9),
| Ci = 1/12 x 0.5 x (250 + 6.2) x 10* x In3] = 3.47 uF. The closest standard value is
Cy =33 pF. Then, C; =033 uF, Cy = 33 nF,and Cy = 3.3 nF.

The function of Ry is to protect the comparator input stage at power tum-off, when
the capacitors may still be charged, and that of Rs is to supply current to the bridge, R,,
R, and to the external load, if any. The maximum current drawn by Ris whenvgy = +5V,
vy = —2.5V, and the pot is set to zero. This current is [5 — (—2.5)]/6.2 = 1.2 mA. We
also have Iz, = 5/66 = 0.07 mA. Imposing a bridge current of 1 mA and allowing for
a maximum load current of | mA, we have Jg a) = 1.2+ 0.07 + 1 + 1 = 3.3 mA.
Hence, Ry = (13 — 5)/3.3 = 2.4 k2 (use 2.2 k€2 to be safe). For the diode bridge use
a CA3039 array (Harris).

Figure 10.9 shows a multivibrator designed for single-supply operation. By using
a fast comparator, the circuit can operate well into the hundreds of kilohertz. As we
know, the circuit gives Vpy, = Oand, if R4 < R3 + (R} || Ry). it gives Vou = V.
At power turn-on (¢ = 0), when C is still discharged, v is forced high, causing C
to charge toward Ve¢ via R. As soon as vy reaches Vry, vo snaps low, causing C
to discharge toward ground. Henceforth, the oscillation becomes periodic with duty
cycle D(%) = 100Ty /(T;, + Ty) and fy = 1/(Tr + Ty). Applying Eq. (10.3)

Yeo
Ry
vy Volts
Yo
Vee L
VTH - — — — ] ___;;7§__
LOA A ==+4--
0 = = !
0 fe— T, e Tyol
(a} (h)

FIGURE 10.9
Single-supply free-running multivibrator.

wice, first with At = T, Voo = 0, Vg = Vry, and V| = Vyy, then with Ar = Ty,
VYoo = Voo, Vo = Vi, and Vi = Vry, we get, after combining terms,

1

v Ve — V-
RCIn (l’i x =T T‘)
v VYoo - Vi

Jo= (10.10)

To simply inventory and achieve D = 50%, it is customary to impose R) =
Ra == Rj, after which fg = 1/(RCIn4) = 1/1.39RC. Oscillators of this type can
easily achieve stabilities approaching 0.1% with initial predictability of the order of
5% to 10%.
-

EXAMPLE 10.2. [In the circuit of Fig. 10.9 specify components for fo = | kHz, and
verify with PSpice for Vec =5 V. .

Solution. Use Ry = R; = R; =33kQ, Ry =2.2kQ, C = 10nF, and R = 73.2 kQ.
The input file is:

Astable Multivibrator:
vCC 8 0 de Sv

.11b eval.lib

XCNP 23 80 7 0 LN111
€ 03 10nr ICa0

R37 7.«

R1 2 0 33k

R2 2 8 133k

R3I 27 33k

R4 7 80 2.2k

.tran 10us 2ms 0 10us uic
.probe

.end

The waveforms are shown in Fig. 10.10.

o
o v(3) o v(D

FIGURE 10.10
Waveforms for the circuit of Example 10.2.
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Free-Running Multivibrator Using CMOS Gates

CMOS logic gates are particularly attractive when analog and digital functions must
coexist on the same chip. A CMOS gate enjoys an extremely high input impedance,
a rail-to-rail input range and output swing, extremely low power consumption, and
the speed and low cost of logic circuitry. The simplest gate is the inverter depicted in
Fig. 10.11. This gate can be regarded as an inverting-type threshold detector giving
vo = You = Vpp forvy < Vr,andvg = Vg = 0 for vy > V7. The threshold
V7 is the result of internal transistor operation, and is nominally haltway between
Vpp and 0, or V¢ = Vpp/2. The protective diodes, normally in cutoff, prevent v,
from rising above Vpp + Vp(on) or dropping below — Vi (on), and thus protect the
FETs against possible electrostatic discharge.

Vi
b,

You "o
+— M" V.l)h
¥y Yy Vi 04 vy
= w'__" M, h v,
0 Vy Vpp
D,

(] (2] ©)

FIGURE 10.11
CMOS inverter: logic symbol, internal circuit diagram, and VTC,

In the circuit of Fig. 10.12a assume at power turn-on (t = 0) v goes high. Then,
by I’s inverting action, v remains fow, and C starts charging toward vo = Vpp
via R. The ensuing exponential rise is conveyed to /| via Ry as signal v). As soon as
v) rises to Vr, 1| changes state and pulls v, low, forcing /2 to pull vp high. Since
the voltage across C cannot change instantaneously, the step change in v causes v3
to change from V7 to Vr + Vpp = 1.5Vpp, as shown in the timing diagram. These
changes occur by a snapping action similar to that of Schmitt triggers.

With v3 being high and v being low, C will now discharge toward v, = 0 via
R. As soon as the value of v3 decays 10 Vr, the circuit snaps back to the previous
state; that is, v2 goes high and vo goes low. The step change in v causes v3 to
jump from Vr to Vr — Vpp = —0.5Vpp, after which v3 will again charge toward
vy = Vpp. As shown, v, and vp snap back and forth between 0 and Vpp, but in
antiphase, and they snap each time v3 reaches Vr.

Tofind fy=1/(Ty +T1), we again use Eq. (10.3), first with At =Ty, Voo = 0,
Vo = Vr + Vpp, and V| = Vi, then with A1 = Ty, Voo = Vpp, Vo = V1 — Vpi»
and V) = V7. The result is

_ |
fo RCln (VDD +V¥r  2Vop — VT)
Vr Vpp — Vr
For Vr = Vpp/2 weget fo=1/(RCIn9) = 1 /2.2RC and D(%) = 50%. In practice,
due to production variations, there is a spread in the values of Vr. This, in turn,

(10.11)

0 Ty T+
(@) &)

FIGURE 10.12
CMOS-gate free-running multivibrator.

affects fo, thus limiting the circuit to applications where frequency accuracy is not
of primary concem.

We observe that if v3 were applied to /| directly, the input protective diodes of
{) would clamp v3 and alter the timing significantly. This is avoided by using the
decoupling resistance Ry > R (in practice, R) = 10R will suffice.)

CMOS Crystal Oscillator .
In precise timekeeping applications, frequency must be much more accurate and
stable than that afforded by simple RC oscillators. These demands are met with
crystal oscillators, an example of which is shown in Fig. 10.13. Since the circuit

Xl

-
LY

1 MHz

Y
|' 10 pF

FIGURE 10.13
CMOS-gate crystal oscillator.
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exploits the electromechanical-resonance characteristics? of a quartz crystal to set
Jo. it acts more like a tuned amplifier than a multivibrator. The idea here is to
place a network that includes a crystal in the feedback loop of a high-gain inverting
amplifier. This network routes a portion of the output signal back to the input, where
it is reamplified in such a way as to sustain oscillation at a frequency set by the
crystal.

A CMOS gate is made to operate as a high-gain amplifier by biasing it near
the center of its VTC, where slope is the steepest and gain is thus maximized.
Using a plain feedback resistance R, as shown, establishes the dc operating point
at Vg =V, = Vy = Vpp/2. Thanks to the extremely low input leakage current of
CMOS gates, R ; can be made quite large. The function of the remaining components
is to help establish the proper loss and phase, as well as provide a low-pass filter
action to discourage oscillation at the crystal’s higher harmonics.

Although crystals have to be ordered for specific frequencies, a number of
commonly used units are available off the shelf, namely, 32.768 kHz crystals for
digital wristwatches, 3.579545 MHz for TV tuners, and 100 kHz, 1 MHz, 2 MHz,
4 MHz, 5 MHz, 10 MHz, etc., for digital clock applications. A crystal oscillator can
be tuned slightly by varying one of its capacitances, as shown. Crystal oscillators of
the type shown can easily achieve stabilities on the order of 1 ppm/°C (1 part-per-
million per degree Celsius).*

The duty cycle of clock generators is not necessarily 50%. Applications requiring
petfect square-wave symmelry are easily accommodated by feeding the oscillator
to a toggle flip-flop. The Jatter then produces a square wave with D(%) = 50%, but
with half the frequency of the oscillator. To achieve the desired frequency we simply
use a crystal with a frequency rating twice as high.

Monostable Multivibrator

On receiving a trigger pulse at the input, a monostable multivibrator or one-shot
produces a pulse of a specified duration T. This duration can be generated digitally,
by counting a specified number of pulses from a clock source, ot in analog fashion,
by using a capacitor for time-out control. One-shots are used to generate strobe
commands and delays, and in switch debouncing.

The circuit of Fig. 10.14 uses a NOR gate G and an inverter /. The NOR yields
a high output only when both inputs are low; if at least one of the inputs is high,
the cutput will be low. Under normal conditions, v; is low and C is in steady state,
s0 vy = Vpp due to the pullup action by R, and v =0 by inverter action. Further,
since both inputs to the NOR gate are low, its output is high, or vj = Vpp, indicating
zero voltage across C.

The arrival of a trigger pulse v; causes the NOR gate to pull v; low. Since the
voltage across C cannot change instantaneously, vy will also go low, causing in turn
v to go high. Even if the trigger pulse is now deactivated, the NOR gate will keep v/
low because v g is high. This state of affairs, however, cannot last indefinitely because
R is now charging C toward Vpp. In fact, as soon as v, reaches Vr, the inverter snaps,
forcing v back low. In response to this, the NOR gate forces vy high, and C then
transmits this step to the inverter, thus reinforcing its initial snap in Schmitt-trigger

(a) ()

FIGURE 16.14
CMOS-gate one shot.

fashion. Even though v, tries to swing from Vr to V7 + Vpp = 1.5Vpp, the intemnal
protective diode D) of the inverter, shown explicitly in Fig. 10.115, will clamp v,
near Vpp, thus discharging C. The circuit is now back in the stable state preceding
the arrival of the trigger pulse. The timeout T is found via Eq. (10.3) as

T = RCIn—Y22__ (10.12)

Vop - Vr ]
For V7 = Vpp/2, this reduces to T = RCIn2 = 0.69RC.
A retriggerable one-shot begins a new cycle each time the trigger is activated,
including activation during T. By contrast, a nonretriggerable one-shot is insensitive
to triggering during 7.

103
MONOLITHIC TIMERS

The need for the astable and monostable functions arises so often that special
circuits,? called IC timers, are available to satisfy these needs. Among the vari-
ety of available products, the one that has gained the widest acceptance in terms
of cost and versatility is the 555 timer. Another popular product is the 2240 timer,
which combines a timer with a programmable counter to provide additional timing
flexibility.

The 555 Timer

As shown in Fig. 10.15, the basic blocks of the 555 timer are: {a) a trio of identical re-
sistors, (b) a pair of voltage comparators, (c)a flip-flop, and (d) a BJT switch Qp. The
resistances set the comparator thresholds at Vi = (2/3)Vec and V1L = (1/3)Vce.
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FIGURE 10.15
The 555 timer block diagram.

For additional fiexibility, the upper threshold node is externally accessible via pin 5
so that the user can modulate the value of V. Regardless of the value of Vry, we
always have Vrp = Vyy /2.

The state of the flip-flop is controlled by the comparators as follows: (a) When-
ever the voltage at the trigger input (TRIG) drops below Vyrp, CMP; fires and sets
the Aip-flop, forcing @ high and @ low; with a low voltage at its base, Jp is in
cutoff. (b) Whenever the voltage at the threshold input (THRESH) rises above Vry,
CMP fires and clears the flip-flop, forcing Q low and Q high. With a high voltage
applied to its base via the 100-£2 resistance, Qp is now heavily on. Summarizing,
lowering TRIG below Vrp turns Qg off, and raising THRESH above Vg turns Qg
heavily on. The flip-flop includes a reset input (RES) to force { low and turn Qo
on regardless of the conditions at the inputs of the comparators.

The 555 is available in both bipolar and CMOS versions. The bipolar versions
operate over a wide range of supply voltages, typically 4.5V < Vec < 18V, and
are capable of sourcing and sinking output currents of 200 mA. The TLC555 (Texas
Instruments), which is a popular CMOS version, is designed to operate over a power-
supply range of 2 V to 18 V, and has output current sinking and sourcing capabilities
of 100 mA and 10 mA, respe%tively. The transistor switch is an enhancement-type

n-MOSFET. The advantages of CMOS timers are low power consumption, very high
input impedances, and a rail-to-rail output swing.

The 555 as an Astable Multivibrator

Figure 10.16 shows how the 555 is configured for astable operation using just three
external components. To understand circuit operation, refer also to the internal dia-
gram of Fig. 10,15,

DISCH oOuT '—03 Yo

Ry
6
THRESH vo T,
veg—2 TRIG Von —
= | GND
I Ly 0 I
t —
7
() b)

FIGURE 10.16 )
The 555 timer as an astable multivibrater.

At power turn-on (¢ = 0), when the capacitor is still discharged, the voltage at
the TRIG input is less than Vyy.. This forces Q high and keeps the BJT in cutoff, thus
allowing C to charge toward V¢ viathe series R + Rg. As soon as ve reaches Vry,
CMP, fires and forces  low. This turns on @, which then pulls the DISCH pin to
VeEsay = 0 V. Consequently, C now discharges toward ground via Rg. As soon as
ve reaches Vi, CMP; fires, forcing Q high and turning oft Op . This reestablishes
the conditions for a new cycle of astable operation.

The time intervals T;, and Ty are found via Eq. (10.3). During T the time
constant is RgC, so Ty = RgClIn(Vyy/V1L)= RgCIn2; during Ty the time
constant is (R4 + Rp)C,s50 Ty = (R4 + Rp)CIn{(Vee — Vin)/ (VYee — Vi)l
Consequently,

M (10.13)
Vee — Vin

Substituting Vry = (2/3)Vce and sol;Jing for fo = 1/T and (%) = 100Ty/

(TL + Ty) gives

T=Tt+Tu=RpCIn2+(R4+ Rg)Cln

1.44 Ra+Rp
= —— D(%) = 100 ————— 10.14
fo (Ra+2Rp)C (%) Rao+2Rp (10.14)

We observe that the oscillation characteristics are set by the external components
and are independent of Vi« 1: jn.+cat power-supply noise from causing false
triggering when ve approaches cithiar threshold, use a 0.01-uF bypass capacitor
between pin 5 and ground: this will clean Vg as well as Vry. The liming accuracy
of the 555 astable approaches 1%, with a temperature stability of 0.005%/°C and a
power-supply stability of 0.05%/ V.

EXAMPLE 103. In the circuit of Fig. 10.16 specify suitable components for f, =
50 kHz and D{(%) = 75%.

Solution. Let C =1 oF, so that Ry + 2Ry = .44/ f,C = 28.85 k2. Imposing (R4 +
Rg)/(Ra+2Rp) =10.15 gives R4 = 2Ry. Solving gives R, = 14.4 k2 (use 14.3 k)
and Rp = 7.21 k2 (use 7.15 kQ).
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Since Vrr, and Vry remain stable during the oscillation cycle, the dual-com-
parator scheme utilized in the 555 allows higher operating frequencies than the
single-comparator schemes of the previous section. In fact some 555 versions can
easily operate to the megahertz range. The upper frequency limit is determined by
the combined propagation delays of the comparators, flip-flop, and transistor switch.
The lower frequency limit is determined by how large the external component values
can practically be made. Thanks to the extremely low input cumrents, CMOS timers
aliow for large external resistances, so very long time constants can be obtained
without using excessively large capacitances.

Since Ty > Ty, the circuit always gives D(%) > 50%. A symmetric duty cycle
can be approached in the limit R4 <« Rg; however, making R4 100 small may lead
to excessive power dissipation. A better approach to perfect symmetry is to use an
output toggle flip-flop, as discussed in the previous section.

The 555 as a Monostable Multivibrator
Figure 10.17 shows the 555 connection for monostable operation. Under normal con-

ditions, the TRIG input is held high, and the circuit is in the stable state represented
by @ low. Moreover, the BJT switch Qo,is closed, keeping C discharged, or v¢ = 0.

vi

Voo
8 4
Rg 6 Vee RES
THRESH ouT
u 2
TRIG 555
7 Yo
v Yc DISCH
V.
cx GND oH
= ]
3
0 t
= b—r—

(@) (2]

FIGURE 10.17
The 555 timer as a monostable multivibrator.

The circuit is triggered by lowering the TRIG input below Vrz. When this is
done, CMP, sets the flip-flop, forcing Q high and tuming off Qg. This frees C to
charge toward Vcc via R. However, as soon as v¢ reaches Vg, the upper comparator
clears the flip-flop, forcing Q low and tuming Qp heavily on. The capacitance is
rapidly discharged, and the circuit returns to the stable state preceding the arrival of
the trigger pulse.

The pulse width T is readily found via Eq. (10.3) as

Vee

T =RClp —————
Vee — Vi

(10.15)

Letting Vry = (2/3)Vcc gives T = RCin3, or
T = 1L10RC

Note once again the independence of Vcc. To enhance noise immunity, connect a
0.01-uF capacitor between pin 5 and ground (see Fig 10.15).

Voltage Control

If desired, the timing characteristics of the 555 can be modulated via the CONTROL
input. Changing Vg from its nominal value of (2/3)Vcc will result in longer
or shorter capacitance charging times, depending" on whether Vry is increased or
decreased.

When the timer is configured for astable operation, modulating Vriy varies Ty
while leaving T, unchanged, as indicated by Eq. (10.13). Consequently, the output
is a train of constant-width pulses with a variable repetition rate. This is referred to
as pulse-position modulation (PPM).

When the timer is configured for monostable operation, modulating Vry varies
T, as per Eq. (10.15). If the monostable is triggered by a continuous pulse train,
the output will be a pulse train with the same frequency as the input but with
the pulse width modulated by Vrg. We now have puise-width modulation
(PWM).

PPM and PWM represent two common forms of information encoding for stor-
age and transmission. Note that once Vry is overridden externally, Vry and Ve
are no longer related; hence, the timing characteristics are no longer independent of
Vee.

EXAMPLE 104. Assuming Voo = 5 V in the multivibrator of Example 10.3, find the
range of variation of f and D(%) if the voltage at the CONTROL input is modulated
by ac coupling to it an external sine wave with a peak amplitude of 1 V.

Solution. The range of variation of Vyy is (2/3)5 £ 1 V, or between 4.333 V and
2.333 V. Substituting into Eq. (10.13) gives T, =4.96 usand 7.78 us < Ty < 31.0 us,
so we have 27.8 kHz < f5 < 78.5 kHz, and 61.1% < D(%) < 86.2%.

Timer/Counter Circuits

In applications requiring very long delays, the values of the timing components
can become impractically large. This drawback is overcome by using components
of manageable size and then stretching the multivibrator time scale with a binary
counter. This concept is exploited in the popular 2240 timer/counter circuit, as well
as other similar devices. As shown in Fig. 10.18, the basic elements of the 2240 are
a time-base oscillator (TBO), an 8-bit ripple counter, and a control flip-flop (FF).
The TBO is similar to the 555 timer, except that R g has been eliminated to reduce
the external component count, and the comparator thresholds have been changed to
V1L =0.27Vece and Vry = 0.73Ve to make the value of the logarithm in Eq. (10.13)
exactly unity. Thus, the time-base is

T =RC (0.1
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(a) Programmable delay gencrator using the XR-2240 timer/counter. (b) Timing
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The binary counter consists of eight toggle flip-fiops that are buftered by open-
collector BITs. The desired amount of time stretching is programmed by connecting
a suitable combination of counter outputs to a common pullup resistor R, in a
wired-OR configuration. Once a particular combination is selected, the output wili
be low as long as any one of the selected outputs is low. For instance, connecting
only pin 5 to the pullup resistor gives T, = 16T, while connecting pias 1, 3, and 7
gives T, = (1 +4+64)T = 69T, where 7,, is the duration of the output timing cycle.
By suitable choice of the connection pattern, one can program T,, anywhere over the
range T" < T, < 255T.

The purpose of the control flip-flop is to translate the external TRIGGER and
RESET commands 1o the proper controls for the TBO and the counter. At power
turn-on the circuit comes up in the reset state, where the TBO is inhibited and all
open-collector outputs are high. On receiving an external trigger pulse, the control
flip-flop goes high and initiates a timing cycle by enabling the TBO and forcing
the common output node of the counter low. The TBO will now run until the count
programmed by the wired-OR pattern is reached. At this point the output goes high,
resetting the control flip-flop and stopping the TBO. The circuit is now in the reset
state, awaiting the arrival of the next trigger pulse.

Cascading the counter stages of two or more 2240s makes it possible to achieve
truly long delays. For instance, cascading two 8-bit counters yields an effective
counter length of 16 bits, which allows T, to be programmed anywhere in the range
from T to over 65 x 10°7". In this manner, delays of hours, days, or months can be
generated using relatively smal! timing component values. Since the counters do not
affect the timing accuracy, the accuracy of T, depends only on that of T, which is
typically around 0.5%. T can be fine-tuned by adjusting R.

104
TRIANGULAR WAVE GENERATORS

Triangular waves are generated by alternately charging and discharging a capacitor
with a constant current. In the circuit of Fig. 10.19a the current drive for C is
provided by OA, a JFET-input op amp functioning as a floating-load V-/ converter.
The converter receives a two-level drive from a 301 op amp comparator configured
as a Schmitt trigger. Because of the inversion introduced by OA, the Schmitt trigger
must be of the noninverting type. Also shown is a diode clamp to stabilize the
Schmitt-trigger output levels at +Vetamp = 2(Vzs + 2Vp(ony). Consequently, the
Schmitt-trigger input thresholds are + Vr = +(R;/R;) Vetamp-

Circuit behavior is visualized in terms of the waveforms of Fig. 10.195. Assume
at power turn-on (¢ = 0) CMP swings to -+ Vyy So that vsg = + Vetamp- OA converts
this voltage to a current of value Vetamp/ R entering C from the left. This causes vig
to ramp downward. As soon as vyg reaches — Vr, the Schmitt trigger snaps and vsQ
switches from +Velamp t0 —Velamp. OA converts this new voltage to a capacitance
current of the same magnitude but opposite polarity. Consequently, vrr will now
ramp upward. As soon as vyg reaches +Vr, the Schmitt trigger snaps again, thus
Tepeating the cycle. Figure 10.19b shows also the waveform v; at the noninverting
input of CMP. By the superposition principle, this waveform is a linear combination
of vrg and vsQ. and it causes the Schmitt trigger to snap whenever it reaches Q V.,
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FIGURE 10.19
Basic triangular/square-wave generator.

'

By symmetry, the time taken by VTR to ramp from —Vrto+Vris T/2. Since
the capacitor is operated at constant current, we can apply Eqg. (10.2) with A; =
T/2, 1 = champ/R and Ay = 2Vyr = Z(RI/RZ)VcIamp- Letting f3 = 1/T gives

Ry/R

fo=——

4RC (10.18)

indicating that Jfo depends only on external components, a desirable feature indeed,
As usual, fg can be varied continuously by means of R, or in decade steps by means
of C. The operating frequency range is limited at the upper end by the SR and GBP
of OA as well as the speed of response of CMP; at the lower end by the size of R
and C, as well as the input bias current of OA and capacitor leakage. A FET-input
Op amp is usually a good choice for OA, while CMP should be an uncompensated
Op amp or, betier yet, a high-speed voltage comparator.

EXAMPLE 105. In the circuit of Fig. 10.19a specify suitabie components for a square
wave with peak values of +5 V, a triangular wave with peak values of +10 V, and fo
continuously variable from 10 Hz to i0 kHz,

Solution. We need Vzs = Vetuwp — 2VDem =5—2x 0.7 = 3.6 V, and Ry/R, =
Veump/ V7 = 5/10 = 0.5 (use Ry =20kQ2, R, = 10kR). Since f, must be variable over
a 1000 1 range, implement R with a pot and a series resistance R, such that R+ R, =
1000R,, or Ry = 10*R,. Use Ryoy = 2.5M%2and R, =25kQ.ForR = Rein = R, we
want fo = fymey = 10 kHz. By Eq. (10.18), C = 0.5/(10* x 4 x 2.5 x 10% = 5nF
The function of R, is to provide current to R, R;, the diode bridge, and the output
load under all operating conditions. Now, IRimary = Vetamp/ Runin = 5/2.5 = 2 mA, and
{2y many = Vitamp/ Ry = 5/10=05mA, Imposing a bridge current of | mA and allowing
for a maximum load current of 1 mA yields I many = 2+ 0.5+ 1 4+ 1=4.5 mA, Then,
Ry = (13-5/45 = 1.77kQ (use 1.5 kQ to be safe). For the diode bridge, use a
CA3039 diode array (Harris).

Slope Control

With the modification of Fig. 10.20a, the charge and discharge times can be adjusw:
independently o generate asymmetric waves. With vsq = + Velamp, D3 lls;onwainth
Dy is off, so the discharge current is Iy = (Vejamp — Voeml/(Ry + R).
vsQ = — Vetamps D3 is off and Dy is on, and the charge current is /;, = [VchmpT—
v N 1/(RL + R). The charge and discharge times are found asC x2Vr =11 Tp
alf()l(oCn)x 2Vr = Iy Ty, respectively. The function of D) anfl D is to compensate
for the V(o) term due to D3 and Dy. With D; and Dz_m place' we now have
Vr /Ry = [Velamp — Vponyl/ Rz2. Combining all the above information yields
R Ll R (10.19)
=2— R Ty =3%=—C(Ry +R)
TL—2R2C(R1.+ ) H zR; _
illation i = T.). Note that if one of the slopes is
The frequency of oscillation is fo = 1/ (T.,q + T X X
ma?ic renquch s{ecper than the other, vtr will approach a sawtooth and vsq a train of
narrow pulses.

I
VsQ
Vclallv o '
0 —
~Vetamp -:.]'
Ty T,

(@) . ®

FIGURE 10.20 .
Triangular wave generator with independently adjustable slopes.

Voltage-Controlled Oscillator

icati i le automatically, for instance, via
lications require that fo be programmabl :
?c?tigpv:ltage v:.eq The required circuit, known as a yoltage-ct{r{trf)lled osa‘l;cggr
(VCO), is designed to give fo = kv, vy > 0, where k is the sensitivity of the y
i olt. .
" hell:':zlﬁr lv0.21 shows a popular VCO realization. Here OA is a V-/ converter t!rat
forces% to conduct a current linearly proportional to v; . To ensure capacitor charging
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FIGURE 10.21
Voltage-controlled triangular/square-wave oscillator. (Power supplies are £15 V.)

as well as discharging, this current must alternate between opposite polarities. As
we shall see shortly, polarity is controlled via the n-MOSFET switch. Moreover,
CMP forms a Schmitt trigger whose output levels are Vo = Vepgay = 0V
when the output BIT is saturated, and Vg i = Vce /(1 + R2/R)) = 10 V when the
BIT is off. Since the noninverting input is obtained directly from the output, the
trigger thresholds are likewise Vry, = 0V and Vi = 10 V. The circuit operates as
follows.

By op amp and voltage-divider action, the voltage at both inputs of OA is v; /2, 50
the current through the 2 R resistance is at all times iy = (v; —v;/2)/2R = v;/4R.
Assume the Schmitt trigger starts in the low state, or vgg = 0 V. With a low gate
voltage, M is off, so all the current supplied by the 2R resistance flows into C,
causing vTR to ramp downward,

As soon as vy reaches Vrp = 0V, the Schmitt trigger snaps, causing vsQ o
jump to 10 V. With a high gate voltage, M| wrns on and shorts R to ground, sinking
the current (v;/2)/R = 2i;. Since only half of this current is supplied by the 2R
resistance, the other half must come from C. Thus, the effect of turning on M) is to
reversedhe current through C without affecting its magnitude. Consequently, vTR is
now ramping upward.

As soon as vrr reacheg, Vry = 10 V, the Schmitt trigger snaps back to 0 V,
turning off M| and reestablishing the conditions of the previous half-cycle. The
circuit is therefore oscillating. Using Eq. (10.2) with At =T/2, I =v; /4R, and
Av = Vry — V7, and then solving for fo = 1/T gives

Vi

fo= BRC(Vrn — Vr1)

With Vry — Vi =10 V we get fy = kv;, k = 1/80RC. Using, for example,
R =10k, 2R = 20 kR, and C = 1.25 nF gives a sensitivity kK = | kHz/V. Then,
varying v; over the range of 10 mV to 10 V sweeps fy over the range of 10 Hz to
10 kHz.

(10.20)

The accuracy of Eq. (10.20) is limited at high frequencies by the dynamics
of OA, CMP, and M, and at low frequencies by the input bias current and offset
voltage of OA. To null the latter, set v 10 a low value, say, i0 mV, and then adjust
the oftset-nulling pot for a 50% duty cycle. Another source of error is the channel
resistance rys(on) of the FET switch. The data sheets of the M116 FET (Siliconix)
give ryggony = 100 S2typical. With R = 10kS2, this represents an error of only ) %; if
desired, this can be eliminated by reducing R from 10kQ 1o 10k€2 — 100 Q = 9.9kS2.

Triangular-to-Sine Wave Conversion

if a triangular wave is passed through a circuit exhibiting a sinusoidal VTC, as shown
in Fig. 10.22a, the result is a sine wave. Since nonlinear wave shaping is independent
of frequency, this form of sine wave generation is particularly convenient when used
in connection with triangular-output YCOs, since the latter offer much wider tuning
ranges than Wien-bridge oscillators. Practical wave shapers approximate a sinusoidal
VTC by exploiting the nonlinear characteristics of diodes or transistors.

V(.(.
0

(a) (b)

FIGURE 10.22
(@) VTC of a triangular-to-sine wave converter. (b) Logarithmic wave shaper.

In the circuit of Fig. 10.22b a sinusoidal VTC is approximated by suitably over-
driving an emitter-degenerated differential pair. Near the zero-crossings of the input,
the gain of the pair is approximately linear; however, as either peak is approached,
one of the BJTs is driven to the verge of cutoff, where the VTC becomes logarithmic
and produces a gradual rounding of the triangular wave. The THD of the output is
minimized* at about 0.2% for R1 = 2.5V and Vip, = 6.6V, where Vi, is the peak
amplitde of the triangular wave and V7 is the thermal voltage (Vr = 26 mV at room
lgmperalure) This translates to R7 = 65 mV and V;p, = 172 mV, indicating that the
triangular wave must be properly scaled to fit the requirements of the wave shaper.
 Figure 10.23 shows a practical wave shaper realization. The shaping function
1s performed by the 1.M394 matched BIT pair, whose output is converted to a
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FIGURE 10.23
Practical logarithmic wave shaper.

single-ended current with the help of the current mirror Q3-Qy; this current is then
converted to a voltage by the op amp. The circuit is calibrated with the help of
an oscilloscope/spectrum analyzer as follows: (a) first, adjust the 25-k<2 pot for a
symmetrical output; (b) next, adjust the 5-k$2 pot for minimum output distortion;
(c) finally, adjust the 50-k$2 pot for the desired output amplitude. The input attenuator,
designed for triangular waves with peak values of +5 V, can easily be adapted to
other amplitudes. With proper calibration, the THD can be kept below 1%.

10.5
SAWTOOTH WAVE GENERATORS

A sawtooth cycle is generated by charging a capacitor at a constant rate and then
rapidly discharging it with a switch. Figure 10.24 shows a circuit utilizing this
principle. The current drive for C is provided by OA, a floating-load V-1 converter. In
order for vgr o be a positive ramp, i; must always flow out of the summing junction,
or vy <0. Ry and Rj establish the threshold V7 = Ve /(1 + Rz/R3) =5V,

At power turn-on (1 = 0), when C is still discharged, the 311 comparator inputs
are vp = 0V and vy = 5V, indicating that the output BJT is in saturation and
vpULSE = — 15 V. With a gate voltage this low, the n-JFET Jy is in cutoff, allowing C
to charge. As soon as the ensuing ramp vt reaches V7, the comparator output BJT
goes off, allowing the 2-k$2 resistor to pull vpypsg to ground. This change of state
takes place in a snapping fashion because of the positive-feedback action provided
by C). Since now vgs= 0 V, the JFET switch closes and rapidly discharges C,
bringing vgT to G V.

Vst
2N4391
S5V
A ——
Vi o Tew
<0 b YPuLse VeuLsE
0 1
2k
. 15V —l—
0k0 10k0 1 Tp
@ &

FIGURE 10.24
Voltage-controlled sawtooth/pulse-wave oscillator.

The comparator is prevented from responding immediately to this change in
vsT because of the charge accumulated in Cy during the transition of vpysg from
—15 V to 0 V. This one-shot action, whose duration T}y is proportional to R;Cy, is
designed to ensure that C undergoes complete discharge. With the component values
shown, Tp < | us. After timing out, vpy| sg returns to —15 V, tuming J; off again
and allowing C to resume charging. The cycle, therefore, repeats itself.

The charging time Tcy is found using Eq. (10.2) with At = Tey, I = vii/R,
and Av = Vr_Letting fo = 1/(Tcy + Tp), we obtain

1

4

- 10.21
o= RevrTmi s 15 (192D
As long as Tp « Ty, this simplifies to
fvyl
= 10.22
Jo RCV; ( )

indicating that fj is linearly proportional to the control voltage v;. With R = 90.9kQ2
and C = 2.20F, fu = k|vi|,k = 1 kHz/V,so varyingv; from —10mV to — 10V wiil
sweep fo from 10 Hz to 10 kHz. The circuit can also function as a current-controiled
oscillator (CCO) if we drive it directly with a current sink iy. Then, fo = i;/CVr.
A common application of sawtooth CCOs is found in electronic music, where the
control current is provided by an exponential V-I converter designed for a sensitivity
of 1 octave per volt over a 10-decade frequency range, typically from 16.3516 Hz
10 16.744 kHz.

Practical Considerations
A good choice for OA is a FET-input op amp combining low input bias current, which

is critical at the low end of the controf range, with good slew-rate performance, which
is critical at the high end. The input offset voltage is not critical in the CCO mode;
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however, offset nulling may be necessary in the VCO mode. Also, J) shouid exhibit
low leakage and low ryson)-

The high-frequency accuracy of the oscillator is limited by the presence of Ty in
Eq. (10.21). The ensuing error can be compensated for by speeding up the capacitor
charging time to make up for the delay Tp. This can be achieved by making Vp
decrease with frequency, for instance, by coupling vy, which is negative, to the
junction of R; and Rj via a suitable series resistance R4. It can be proved (see
Problem 10.31) that choosing R4 = (R2 || Ry) x (RC/Tp — 1) makes fy linearly
proportional to |v |, though at the price of a slight reduction of the sawtooth amplitude
at high frequencies.

10.6
MONOLITHIC WAVEFORM GENERATORS

Also called function generators, these circuits are designed to provide the basic
waveforms with a minimum of external components. The heart of a waveform gen-
erator is a VCO that generates the triangular and square waves. Passing the triangular
wave through an on-chip wave shaper yields the sine wave, whereas configuring the
oscillator for a highly asymmetric duty cycle gives the sawtooth and pulse-train
waves. The two most frequent VCO configurations are the grounded capacitor and
the emitter-coupled types,* both of which are available either as stand-alone units
or as part ‘'of complex systems, such as phase-tocked loops (PLLs), tone decoders,
V-F converters, and PWM controllers.

Grounded-Capacitor VCOs

These circuits . ‘he pwinciple of charging and discharging a grounded
capacitor at rates « i a0y programmable current generators. With reference to
Fig. 10.25a, we note that when the switch SW is in the up position, C charges at a rate
set by the current source { . Once vg reaches the upper threshold Vry, the Schmitt
trigger changes state and flips SW to the down position, causing C to discharge at

(a) (b)

FIGURE 10.2§
Grounded-capacitor VCO.

a rate set by the current sink ¢1.. Once vr reaches Vyy, the trigger changes state
again, flipping SW to the up position and repeating the cycle.

To allow for automatic frequency control, iy and {; are made programmable
via an external control voltage v;. If the magnitudes of i;, and iy are equal, the
output waveform will be symmetric, Conversely, if one of the cumrents is made much
larger than the other, vyr will approach a sawtooth.

The grounded-capacitor configuration is used in the design of temperature-
stuble VCOs with operating frequencies up to tens of megahertz. Popular products
utilizing this configuration acre the NE566 function generator (Signetics) and the
ICL8038 precision waveform generator (Harris).

The ICL 8038 Waveform Generator

In the circuit® of Fig. 10.26, Q0 and Q; form two programmable current sources
whose magnitudes are set by the external resistors R 4 and Rg. The drive for Qy and
(27 is provided by the emitter follower Q4, which also compensates for their base-
emitter voltage drops (o yield iy = v; /R4 and ig = v;/Rp, with v; being refer-
enced to Ve as shown. While i 4 is fed to C directly, i g is diverted to the current mir-
ror Q4-Q5-Q¢ where it undergoes polarity reversal as well as amplification by 2 due
to the combined action of Qs and Q. The result is a current sink of magnitude 2i 5.

The Schmitt trigger is similar to that of the 555 timer, with Vrp, = (1/3) Ve and
Vry = (2/3)Vce. When the flip-flop output Q is high, Q7 saturates and pulls the

Yo

.1H
ry

Q

FIGURE 18.26

Simptified circuit diagram of the JCL8038 waveform generator, (Courtesy of Harris Semi-
conductor.)
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bases of Qs and Qg low, shutting off the current sink. Consequently, C charges at
arate set by iy = i 4. Once the capacitance voltage reaches Vry, CMP) fires and
clears the flip-flop, turning Q7 off and enabling the current mirror. The net current
outof Cisnow iy = 2ig — ia; as long as 2ig > iy, this current will cause C to
discharge. Once V7 is reached, CMP; fires and sets the flip-flop, thus repeating the
cycle. It can be shown (see Problem 1(.32) that

Rp Vi
0=3(1-32) Trtvec

With R4 = Rg = R the circuit yields symmetric waveforms with fo = kv,
k = 1.5/RCVcc. As shown in the figure, the device is also equipped with a unity-
gain buffer to isolate the waveform developed across C, a wave shaper to convert
the triangular wave to a low-distortion sine wave, and an open-collector transistor
(Q3) to provide, with the help of an external pullup resistor, a square-wave output.

Figure 10.27 shows the wave shaper” utilized in the 8038. The circuit is known
as a breakpoint wave shaper because it uses a set of breakpoints at designated
signal levels to fit a nonlinear VTC by a piecewise linear approximation. The circuit,
designed to process triangular waves alternating between (1/3)V¢c and (2/3) Ve,
uses the resistive strings shown at the right to establish two sets of breakpoint voltages
symmetric about the midrange value of {1/2)Vcc. These voltages are then buffered
by the even-numbered emitter-follower BITs. The circuit works as follows.

For v; near (1/2)Vcc, all odd-numbered BJTs are off, giving vo = v;. Con-
sequently, the initial slope of the VTC is ag=Avgp/Avy =1 VIV. As v; is in-
creased to the first breakpoint, the common-base BJT @ goes on and Joads down
the source, changing the VTC slope from agp to a; = 10/(1 + 10) =0.909 V/V,
Further increasing v; to the second breakpoint turns Q3 on, changing the slope
to ay =(10]2.7)/[¢ + (10}2.7)] = 0.680 V/V. The process is repeated for the
remaining breakpoints above (1/2)Vcc as well for the corresponding breakpoints
below (1/2)Vcc. By progressively reducing the slope as v; moves away from its
midrange value, the circuit approximates a sinusoidal VTC with THD levels around
1% or less. We observe that the even- and odd-numbered BJTs associated with each
breakpoint are complementary to each other. This results in a first-order cancella-
tion of the corresponding base-emitter voltage drops, yielding more predictable and
stable breakpoints.

- - Re
D(%) = 100 (1 ZRA) (10.23)

Basic 8038 Applications®

In the basic connection of Fig. 10.28 the control voltage v; is derived from V¢ via
the internal voltage divider Ry and R; (see Fig. 10.26), so v; = (1/5)Vcc. Inserting
into Eq. (10.23) gives
0.3
Jo= RC
indicating that f; is independent of V¢, 2 desirable feature as we know. By proper
choice of R and C, the circuit can be made to oscillate at any frequency from 0.001 Hz
to | MHz. The thermal drift of f is typically 50 ppm/°C. For optimum performance,
confine i 4 and i g within the 1-u A to |-mA range.

D(%) = 50% (10.24)
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FIGURE 10.27
Breakpoint wave shaper. (Courtesy of Harris Semiconductor.)
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FIGURE 10,28

Basic ICL8038 connection for fixed-
frequency, 50% duty cycle operation.
{Countesy of Harris Semiconductor.)

For perfect symmetry it is crucial that iy and iy be exactly in a 2:1 ratio.
By adjusting Rsym one can keep the distortion level of the sine wave near 1%.
Connecting a 100-k pot between pins 12 and 11 allows one to control the degree
of balance of the wave shaper to further reduce the THD.

As mentjoned, the square-wave output is of the open-collector type, so a pullup
resistor R, is needed, The peak-to-peak amplitudes of the square, triangular, and sine
waves are Vcc, 0.33Vcc, and 0.22Vce, respectively. All three waves are centered
at V¢ /2. Powering the 8038 from split supplies makes the waves symmetric about
ground.

EXAMPLE 106. Assuming Ve = 15 V in the circuit of Fig. 10.28, specify suitable
components for fp = 10 kHz.

Solution. Impose i, = iz = 100 pA, which is well within the recommended range.
Then, R = (15/5)/0.1 = 30k, and C = 0.3/(10 x 10° x 30 x 10*) = | nF. Use
R, = 10k, and use Rgym = 5 k€2 to allow for a +20% symmetry adjustment. Then,
recalculate R as 30 — 5/2 = 27.5k$2 (use 27.4 kQ). To calibrate the circuit, adjust Rsym
so that the square wave has D(%) = 50%, and Rup until the THD of the sine wave is
minimized.

L]

Varying the voltage of pin 8 provides automatic frequency sweeps. The fact that
the control voltage must be referenced to the Vi rail is annoying in certain appli-
cations. This can be avoided by powering the 8038 between ground and a negative
supply, as in Fig. 10.29. Also shown in the diagram is an op amp that converts the
control voltage v; to a current iy, which then splits evenly between ¢ and 02
This scheme also eliminates any errors stemming from imperfect cancellation of the
base-emitter voltage drops of Q3 and the - pair. For accurate V- conversion,
the input offset voltage of the op amp must be nulled. The circuit shown is designed
10 give ij = v /(5 k) over a 1000:1 range, and is calibrated as follows: () with
v; = 10.0V and the wiper of Rj set in the middle, adjust R; for D(%) = 50%; hence.

R,
25k 39kQ
L r
+I5V
R 2.7k 50042 2.7k
g 1IMQ
= K S e AN =
(10mV 1010 V) 10k
F—o

FIGURE 10.29
The ICL8038 as a linear voltage-controlled oscillator. (Courtesy of Harris Semiconductor.)

adjust Ry for the desired full-scale frequency fgs; (b) with v; = 10.0 mV, adjust
Ry for fy = fps/lO3; hence, adjust R3 for D(%) = 50%; repeat the adjustment of
R4, if necessary; (¢) with v; = 1 V, adjust Rs for minimum THD.

Emitter-Coupled VCOs

These VCOs use a pair of cross-coupled Darlington stages and an emitter-coupling
timing capacitor, as shown? in Fig. 10.30u. The two stages are biused with matched
emitter currents, and their collector swings are constrained to iust one diode
voltage drop by clamps D) and D;.

The cross-coupling between the two stages ensures that either Q-1 or Q2-D,
(but not both) are conducting at any given time. This bistable behavior is similar
to cross-coupled inverters in flip-flop realizations. Unlike flip-flops, however, the
capacitive coupling between the emitters causes the circuit to alternate between
its two states in astable-multivibrator fashion. During any half cycle, the capacitor
plate connected to the stage that is on remains at a constant potential, while the plate
connected to the stage that is off ramps downward at a rate set by i;. As the ramp
approaches the emitter conduction threshold of the corresponding BJT, the latter
goes on, forcing the other BJT to go off because of the positive-feedback action
stemming from cross-coupling. Thus, C is alternately charged and discharged at a
rate set by i;.

Circuit operation is better visualized by trucing through the waveforms of
Fig. 10.30b. Note that the emitter waveforms are identical except for a half-cycle de-
lay. Feeding them to a high input-impedance difference amplifier yietds a symmetric
triangular wave with a peak-to-peak amplitude of two base-emitter voltage drops.
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FIGURE 10.30
Emitter-coupled VCO.

!

The frequency of oscillation is found via Eq. (10.2) with Ar =T /2 and Av = 2VgE.
Letting fo = 1/ T gives

h= eV (10.25)

indicating the CCO capability of the circuit.

The emitter-coupled oscillator enjoys a number of advantages: (a) it is sim-
ple and symmetric, (b) it lends itself to automatic frequency control, and (c) it is
inherently capable of high-frequency operation since it consists of nonsaturating
npn-BJTs. In its basic form of Fig. 10.30a, however, it suffers from a major draw-
back, namely, the thermal drift of Vpg, which is typically —2 mV/°C. There are
various methods* of stabilizing fo with temperature. One method makes i; propor-
tional to Vg to render their ratio temperature-independent. Popular devices utilizing
this technique are the PLLs of the NE560 (Signetics) and XR-210/15 (Exar) types.
Other methods modify the basic circuit to eliminate the Vg term altogether. Though
the increased circuit complexity lowers the upper end of the usable frequency range,
these methods achieve thermal drifts as low as 20 ppm/°C. Popular products using
this approach are the XR-2206/07 monolithic function generators (Exar) and the
ADS37 V-F converter (Analog Devices).

The XR-2206 Function Generator

This device uses an emitter-coupled CCO to generate the triangular and square
waves, and a logarithmic wave shaper to convert the triangle to the sine wave.” The
CCO parameters are designed so that when the circuit is connected in the basic

_[_ * {i] l I 16) Rsvm
= 25kQ 1
2 - 15
R, Multiplier =
and
3 + ol oe [7] R
50k !slne __J 500kQ THD
Veo 4 haper V.
2206 5
5 |
c I lj @ 1 0kQ
T__{ﬁjH i af
RI
MO 1KQ 7 F Current 10 .
= switches = 1 pF (Bypass)
\.....T_., _J 9 T n pas

FIGURE 10.31
Basic XR-2206 connection for low-distortion sine wave generation. (Courtesy of Exar.)

configuration of Fig. 10.31, the frequency of oscillation is

1
fo—EE

The operating frequency range is from 0.01 Hz to more than 1 MHz, with a typical
thermal stability of 20 ppm/°C. The recommended range for R is from 1 k2 1o
2 MQ, and the optimum range is 4 kQ to 200 kS2. Varying R with a pot, as shown,
allows for a 2000 | sweep of fy. Symmetry and distortion adjustments dre provided,
respectively, by Rgym and Rtyp. With proper calibration the circuit can achieve
THD = 0.5%.

The amplitude and offset of the sine wave are set by the resistive network
external to pin 3. Denoting the equivalent resistance seen by this pin as Rj, the
peak amplitude is approximately 60 mV for every kilohm of R3. For instance,
with the wiper of R; set in the middle, the peak amplitude of the sine wave is
[25 4+ (5.115.1)] x (60 mV) = 1.65 V. The sine wave offset is the same as the dc
voltage established by the external network. With the components shown, this is
Vec/2.

Open circuiting pins 13 and 14 disables the rounding action by the wave shaper
so that the output waveform becomes triangular. Its offset is the same as that of
the sine wave; however, its peak amplitude is approximately twice as large. The
square-wave output is of the open-collector type, hence, a pullup resistor is required.

Figure 10.32 shows another widely used 2206 configuration, which exploits
the device’s ability to operate with two separate timing resistances Ry and R;. With
control pin 9 open-circuited or driven high, only R is active and the circuit oscillates
at fj = 1/R|C; similarly, with pin 9 driven low, only R is active and the circuit
oscillates at f; = 1 /R,C. Thus, frequency can be keyed between two levels, often
referred to as mark and space frequencies, whose values are $et independently by
Ry and R,. Frequency shift keying (FSK) is a widely used method of transmitting

(10.26)
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FIGURE 10.32
Sinusoidal FSK generator. (Courtesy of Exar.)

data over telecommunication links. If the FSK control signal is obtained from the
square-wave putput, Ry and R, will be active on altemate half-cycles of oscillation.
This feature can be exploited to configure the 2206 as a sawtooth/pulse generator.

10.7
V-F AND F-V CONVERTERS

The function of a voltage-to-frequency converter (VEC) is to accept an analog input
v; and generate a pulse train with frequency

fo=kv (10.27)

where k is the VFC sensitivity, in hertz per volt. As such, the VEC provides a simple
form of analog-to-digital conversion. The primary reason for this type of conversion
is that a pulse train can be transmitted and decoded much more accurately than
an analog signal, especially if the transmission path is long and noisy. If electrical
isolation is also desired, it can be accomplished without loss of accuracy using
inexpensive optocouplers or Pulse transformers. Moreover, combining a VIFC with
a binary counter and digital readout provides a low-cost digital voltmeter.

VFCs usually have more stringent performance specifications than VCOs. Typ-
ical requirements are (a) wide dynamic range (four decades or more), (b} the ability
10 operate 1o relatively high frequencies (hundreds of kilohertz, or higher), (c) low
linearity error (less than 0.1% deviation from the straight line going from zero to the
full scale), (d) high scale-factor accuracy and stability with temperature and supply
voltage. The output waveform, on the other hand, is of secondary concern as long as
its levels are compatible with standard logic signals. VFCs fall into two categories:
wide-sweep multivibrators and charge-balancing VFCs.?

Wide-Sweep Multivibrator VFCs

These circuits are essentially voltage-controlled astable multivibrators designed with
VFC performance specifications in mind. The muliivibrator is usually a temperature-
stabilized version of the basic CCO concept of Fig. 10.30. A popular product’ in
this category is the AD537 (Analog Devices) shown in Fig. 10.33. The op amp
and Q) form a buffer V-/ converter that converts v; to the current drive iy for
the CCO according to iy =v;/R. The CCO parameters have been chosen so that
fo =iy / 10C, or

vy
fo = Tore

This relationship holds fairly accurately over a dynamic range of at least four de-
cades, up to a full-scale current of 1 mA and a full-scale frequency of 100 kHz. For
instance, with C = 1 nF, R = 10k and Ve = 15V, varying vy from 1 mV to
10 V varies i; from 0.1 uA to | mA and fp from 10 Hz to 100 kHz. To minimize
the V-1 conversion error at the low end of the range, the op amp input offset error
is nulled internally via Rps. With a capacitor of suitable quality (polystyrene or
NPO ceramic for low thermal drift and low dielectric absorption), the linearity error
ratings are 0.1% typical for fo < 10kHz, 0.15% typical for fo < 100 kHz.

Though the figure shows the connection for v; > 0, we can easily configure
the device for v; < 0 by grounding the noninverting input of the op amp, lifting the
left terminal of R off ground, and applying v, there. The device can also function
as a current-to-frequency converter (CFC) if we make the controi current flow out
of the inverting input node. For instance, grounding pin 5 and replacing R by a
photodetector diode current sink will convert light intensity to frequency.

The ADS537 also includes an on-chip precision voltage reference to stabilize the
CCO scale factor. This yields a typical thermal stability of 30 ppm/°C. To further
enhance the versatility of the device, two nodes of the reference circuitry are made
available to the user, namely, Vg and V. Voltage Vp is a stable 1.00-V voltage
reference. Obtaining vy from pin 7 in Fig. 10.33 yields fo = 1/10RC, and if R is

(10.28)
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FIGURE 14.33
The AD537 voltage-to-frequency converter. (Courtesy of Analog Devices.)
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a resistive transducer, such as a photoresistor or a thermistor, it will convert light or
temperature to frequency.

Voltage V7 is a voltage linearly proportional to absolute temperature T as Vr =
(1 mV/K)T. For instance, at T == 25 °C = 273.2 K we have Vr = 298.2 mV.If v,
is derived from pin 6 in Fig. 10.33, then fo = T/(RC x 10°K), indicating that the
circuit converts absolute temperature to frequency. For instance, with R = 10 kQ
and C = 1 nF, the sensitivity is 10 Hz/K. Other temperature scales, such as Celsius
and Fahrenheit, can be accommodated by suitably offsetting the input range with
the help of Vp.

EXAMPLE 10.7. In the circuit of Fig. 10.34 specify suitable components to yield
Celsius-to-frequency conversion with a sensitivity of 10 Hz/°C; then outline the cal-
" ibration procedure.

Solution. For T = 0"C = 273.2 K we have Vr = 0.2732 V and we want fp = 0.
Thus, Ry must develop a 0.2732-V drop. Imposing 0.2732/Ry = (1.00 — 0.2732)/R,
yields R, = 2.66R;. For a sensitivity of 10 Hz°C we want 10 = 1/10°RC, where
R = R, + (Ry|| R3) is the effective resistance seen by Q. Let C = 3.9 nF; then
R = 2.564 k2. Let Ry = 2.74 kQ: then R; = 2.66 x 2.74 = 7.29 kQ (use 6.34 k2
in series with a 2-kS2 pot). Finally, R, = 2.564 ~ (2.74 | 7.29) = 572 Q (use 324 Q in
series with a 500-$2 pot). )

To calibrate, place the IC in a O °C environment and adjust R; so that the circuit
is barely oscillating, say. fo = 1| Hz. Then move the IC to a 100 °C environment and
adjust R, for fo = 1.0kHz.

Figure 10.34 shows another useful feature of the AD537, namely, the ability
to transmit information over a twisted pair. This pair serves the dual purpose of
supplying power 1o the device and carrying frequency data in the form of current

[4]) 14
1R 2 R,
= oL
N iz
BUF cco c 1200
ma o
3 ADS3? 0] f"LP
2209
R 6 v, Precision zl
2 voltage E
._N_N_E-— Ve reference _T_]
0——’
Ry
GND

FIGURE 10,34 . )
ADS537 application as a temperature-to-frequency converter with two-wire transmission.
(Courtesy of Analog Devices.)

modulation. With the parameter values shown, the current drawn by the AD537 .

alternates between about 1.2 mA during the half-cycle in which Q3 is off, and
1.2 4+ {5 — VEBisany — VeE2sanl/Rp = 1.2 4 (5 - 0.8 — 0.1}/1 = 5.3 mA during
the half-cycle in which Q3 is on. This current difference is sensed by Q3 as a voltage
drop across the 120-2 resistance. This drop is designed to be low enough to keep
(3 in cutoff when the current is 1.2 mA, yet large enough to drive Q3 in saturation
when the current is 5.3 mA. Consequently, (3 reconstructs a 5-V square wave at
the receiving end. The ripple of about 0.5 V appearing across the 120-£2 resistance
does not affect the performance of the AD3537, thanks to its high PSRR.

Charge-Balancing VFCs »

The charge-balancing technique8 supplies a capacitor with continuous charge at a
rate that is linearly proportional to the input voltage v, while simultaneously pulling
discrete charge packets out of the capacitor at a rate fg such that the net charge flow
is always zero. The result is fo = kv;. Figure 10.35 itlustrates the principle using
the VFC32 V-F converter (Burr-Brown).

OA converts vy to a current iy = v; /R flowing into the summing junction; the
value of R is chosen such that we always have i; < 1 mA. With SW open, i; fiows
into C; and causes v; lo ramp downward. As soon as v| reaches 0 V, CMP fires
and triggers a precision one-shot that closes SW and turns on ) for a time interval

>
13]110 |12i

TR NAYAVA
J/ }F‘Ofo foru o !
it Ty

____________ One- o "
i W shot | [LJ] [I l
= T,
iy
!
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= o]
=]

FIGURE 10.35
The VFC32 voltage-to-frequency converter. (Courtesy of Burr-Brown.)
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Ty set by C. The one-shot, whose details have been omitted for simplicity, uses a
threshold of 7.5 V and a charging current of 1 mA to give

Ty = 0 mAC (10.29)

The closure of SW causes a net current of magnitude (1 mA — i;) to flow out
of the summing junction of OA. Consequently, during Ty, v ramps upward by an
amount Avy = (1 mA — ij)Ty /C). After the one-shot times out, SW is opened
and v resumes ramping downward at a rate again set by i;. The time T, it takes
for vy to return to zero is such that T;, = C;Av,/i;. Eliminating Av, and letting
fo = V/(TL + Ty) gives, with the help of Eq. (10.29),

-

Vi
7.5RC
where fo is in hertz, v; in volts, R in ohms, and C in farads. As desired, fp is

linearly proportional to v;. Moreover, the duty cycle D(%) = 100 x Ty /(Ty +Ty)
is readily found to be

fo= (10.30)

Vi

D(%) = 100———
(%) OORxlmA

(10.31)
and it is also proportional to v;. For best linearity, the data sheets recommend
designing for a maximum duty cycle of 25%, which corresponds 0 ijmax) =
0.25 mA.

The absence of C; from the above equations indicates that the tolerance and
drift of this capacitor are not critical, so its value can be chosen arbitrarily. However,
for optimum performance, the data sheets recommend using the value of Cy that
yields Ay) = 2.5 V. C, on the other hand, does appear in Eq. (10.30), so it must
be a low-drift type, such as NPO ceramic. If C and R have equal but opposing
thermal coefficients, the overall drift can be reduced to as litile as 20 ppm/°C.
For accurate operation to low values of v, the input offset voltage of OA must be
nulled.

The VFC32 offers a 6-decade dynamic range with typical linearity errors of
0.005%, 0.025%, and 0.05% of full-scale reading for full-scale frequencies of
10 kHz, 100 kHz, and 500 kHz, respectively. Though Fig. 10.35 shows the con-
nection for v; > 0, the circuit is readily configured for v; < 0 or for current-input
operation in a manner similar to the AD537 discussed above.

“»

EXAMPLE 108. Tn the circuit of Fig. 10.35 specify components so that a full-scale
input of 10 V yields a full-scale output of 100 kHz. The circuit is to have provisions for
offset voltage nulling as well as fult-scale adjustment.

Solution. We have T = 1/10° = 10 us. For D(Fo)nax = 25% use Ty = 2.5 s
By Eq. (10.29), € = 2.5 x 107% x 10~3/7.5 = 333 pF (use a 330-pF NPO capacitor
with 1% 1olerance). By Eq. (10.30), R = 10/(7.5 x 330 x 1072 x 10°) = 40.4 k@2
(use a 34.8-k2, 1% metal-film resistor in scries with a 10-kQ2 cermet pot for full-scale
adjusiment). Imposing Av iy = 2.5 Vyields C, = (1073 x 2.5 x 1076)/25 =1 oF.
To null the input offset voltage of OA, use the scheme of Fig. 5.196 with R, = 62
Rg = 150k, and R¢c = 100 k2. The calibration is similar to that of Example 10.7.

Frequency-to-Voltage Conversion

The frequency-to-voltage converter (FYC) performs the inverse operation, namely,
it accepts a periodic waveform of frequency f; and yields an analog output voltage

Vo ::kfl (|032)

where k is the FVC sensitivity, in volts per hertz. FVCs find application as tachome-
ters in motor speed control and rotational measurements. Moreover, they are used
in conjunction with VFCs to convert the transmitted pulse train back to an analog
voltage. )

A charge-balancing VFC can easily be configured as an FVC by applying the
periodic input to the comparator and deriving the output from the op amp, which now
has the resistance R in the feedback path (see Fig. 10.36). The input signal usually
requires proper conditioning to produce a voltage with reliable zero-crossings for
CMP. Shown in the figure is a high-pass network to accommodate inputs of the
TTL and CMOS type. On each negative spike of v, CMP triggers the one-shot,
closing SW and pulling 1 mA out of Cy for a duration Ty as given in Eq. (10.29).
In response to this train of current pulses, v builds up until the current pulled out
of the summing junction of OA in 1-mA packets is exactly counterbalanced by that
injected by vp via R continuously, or f x 1073 x Ty = vo/R. Solving for vg
and using Eq. (10.29) gives

vo =1.5RCf; ‘ (10.33)
The value of C is determined on the basis of a maximum duty cycle of 25%, as
R
15V ——W——9¢——o0 Y%
680 pF
- 5
O 3 oo
1
gt =

(@) b

FIGURE 19.36

VFC connection for frequency-to-voliage conversion, and corresponding waveﬁ;;m’s,' _
A

(Courtesy of Burr-Brown.) /
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FIGURE 10.37
Transmission of analog information in isolated form.

discussed earlier, while R now establishes the full-scale value of vg. As in the
VFC case, the input offset voltage of OA should be nulled to avoid degrading the
conversion accuracy at the low end of the range.

Between consecutive closures of SW, R will cause Cy to discharge somewhat,
resulting in output ripple. This can be objectionable, especially at the low end of the
conversion range where the ripple-to-signal ratio is the worst. The maximurm ripple
is Vi (max) = (1 mA)Tx/C\. Using Eq. (10.29), we get

c
Vyimay = 7.5V (10.34)

indicating that the ripple can be reduced by making C) suitably large. Too large a
capacitance, however, slows down the response to a rapid change in f since this
response is governed by the time constant r = RC;. The optimum value of C; is,
therefore, a compromise between the two opposing demands.

Figure 10.37 shows, in block diagram form, a typical VFC-FVC arrangement
for transmitting analog information in isolated form. Here v; is usually a transducer
signal that has been amplified by an instrumentation amplifier. The VFC converis
v to a train of current pulses for the LED, the phototransistor reconstructs the pulse
train at the receiving end, and the FVC converts frequency back to an analog signal
vo. The example shown utilizes an opto-isolator; however, other forms of isolated
coupling are possible, such as fiber optic links, pulse transformers, and RF links.

PROBLEMS

10.1 Sine wave generators

10.1 Show that for arbitrary component values in its positive-feedback network, the Wien-
bridge circuit of Fig. 10.2a gives B(jfy) = 1/(1 + R,/R, + C,/C.) and fo =
121 \/R.R,C.C,, where R, and C, are the parallel and R; and C, the series ele-
ments. Hence, verify that neutral stability requires Ry /Ry = Ry /R, + C,/C,.

10.2 Disregarding the limiter in Fig. 10.3a, obtain expressions for T{(s) for the cases in
which the feedback resistance is 22.1 k€2, 20.0 k€2, and 18.1 kS2. Then, find the pole
locations for each of the three cases.

10.3 Problem 10.1 indicates that the frequency of a Wien-bridge oscillator can be varied by
varying, for instance, R,,. However, to maintain neutral stability. we must also vary R,
in such a way as to keep the ratio R, / R, constant. This awkward constraint is avoided
by the circuit® of Fig. P10.3. (a) Show that f; is still as in Problem 10.1, but neutral

stability now requires (Ry/Ry)(1 + R3/R,) = R,/R, + C,/C,. (b) Verify that if
we let Ry/ R, = C,/C,, this condition simplifics to Ry = (R,/R2)R;. (c) Assuming
sufficiently fast JFET-input of amps in the design shown, find the range of variability
of fo‘

S511kQ

FIGURE P10.3

10.4 In the quadrature oscillator of Fig. 10.6 specify suitable components for f = 10kHz
and Vo, = 5 V. Hence, assuming 1N4148 diodes and 741 op amps, verify with PSpice.

10.5 In the quadrature oscillator of Fig. 10.6 let the variable resistance be adjusted to
R(1—€), € « 1. Show that at power tum-on the poles are located in the right half of
the s plane at s = (¢/4 + j)}/RC.

10.6 (a) Assuming Ry = 20k, R; = 10kQ, C; = 200F, and C; = 100F it the low-pass
KRC filter of Fig. 3.23, show a design to tumn it into a sine wave oscillator without
changing the values or the topology of the elements given here. (b) Find f;.

10.2 Multivibrators

10.7 in the circuit of Fig. 10.7alet R = 330kQ, C = I nF, R, = 10kR, R; = 20kQ.
Assuming +15-V supplies, find fo and D{%) if a third resistance Ry = 30 kQ is
" connected between the noninverting-input pin of the 301 and the —15-V supply.

10.8 In the circuits of Fig. 10.7a let R, = Ry = 10k, and suppose a control source v; is
connected to the noninverting input of the compazator via a 10-k<2 series resistance.
Sketch the modified circuit, and show that it allows for automatic duty-cycle controt.
What are the expressions for D(%) and f; in terms of v;? What is the permissible
range for v,?

10.9 In the circuits of Fig. 10.9a and Fig. 10.12a specify suitable components for fp =
100 kHz. The circuits must have provision for the exact adjustment of f;.

10.10 (a) Using a 339 comparator, design a single-supply astable multivibrator with fo =
10 kHz and D(%) = 60%. (b) Repeat (a), but with D(%) = 40%.

10.11 The inverters of Fig. 10.12 have the following threshold ratings at Vpp = 5 V:
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Vr = 2.5 Vtypical, |.1 V minimum, and 4.0 V maximum, (a) Specify suitable com-
ponents for fy = 100 kHz typical. (b) Find the percentage spread of £y due to the spread
of VT.

10.12 Compared to the two-gate oscillator of Fig. 10.12q, the three-gate coumerpjm_of
Fig. P10.12 is always guaranteed to start. Assuming V;- = 0.5Vpy, sketch the timing
waveforms and derive an expression for f.

FIGURE P10.12

10.13 1f in Fig. P10.12 we remove the capacitor and replace each resistor with a wire, Fhe
resulting circuit is called a ring oscillator and is often used to measure the propagation
delays of logic gates. (a) Sketch the voltages at the gate outputs versus time; then
derive a relationship between the average gate propagation delay tp and the frequency
of oscillation fp. (b) Can this technique be extended to four gates within the loop?
Explain.

10.14 Assuming the threshold spread specifications of Problem 10.11, find suitable compo-
nents for T = 10 us (typical) in the one-shot of Fig. 10.14a; then find the percentage
spread of T.

10.15 Design a one-shot using two CMOS NAND gates. Next, explain how it works, show
its waveforms, and derive an expression for 7. (Recall that the output of a NAND gate
goes low only when both inputs are high.)

10.16 Consider the circuit obtained from the one-shot of Fig. 10.14a by connecling the
output of G to the input of [ directly, inserting a resistance R between thé Iqwer mgut
of G and ground, and returning the output of / to the lower input of G via a series
capacilance C. Draw the modified circuit; then, sketch and label its waveforms, and
find T if R = 100 k2, C = 220 pF, and V; = 0.4Vpp.

10.3 Monolithic timers

L]

10.17 Let the 555 astable multivibrator of Fig. 10.16a be modified as follows: Ry is shorted
out, and the wire connecting the bottom node of R, to pin 7 is cut to allow for the
insertion of a series resistance Rc. (@) Sketch the modified circuit and show that
choosing Re = R4/2.362 gives D(%) = 50%. (b) Specify suitable components for
fo = 10 kHz and (%) = 50%.

10.18 (a) Verify that if the THRESHOLD and TRIGGER terminals of the TLCSS_S CMQS
timer are tied together to form a common input, then the device forms an inverting
Schmitt trigger with Vy, = (1/3)Vpp, Vo = (2/3)Vpp, Vo = OV, and Vo = Vo,
where Vpp is the supply voltage. (b) Using just one resistor and one capacitor, con-

figure the device as a 100-kHz free-running multivibrator, and verify that its duty cycle
is 50%.

10.19 Design a 555 one-shot whose pulse width can be varied anywhere from 1 ms 1o 1 s by
means of a 1-MS2 pot.

10.20 A 10-us 555 one-shot is powered from Voo = 15 V. What voltage must be applied
to the CONTROL input to streich T from 10 s to 20 us? To shrink 7 from 10 usto
5 us?

10.21 Using a 555 timer powered from Ve = 5 V, design a voltage-controlled astable mul-
tivibrator whose frequency of oscillation is Ju = 10kHz when Vry = (2/3) Vi, but
can be varied over the range 5 kHz < f < 20kHz by externally varying Vry. What
are the values of V4 and D(%) corresponding to the extremes of the above frequency
range?

10.22 In the circuit of Fig. 10.18 specify suitable components and output interconnections
for T =1sand T, = 3 min.

104 Trisngular wave generators

10.23 In the circuit of Fig. 10.19a let the noninverting input of OA be lifted off ground
and returned to a +3-V source. Draw the moditied circuit; then, sketch and label its
waveforms and find f and D(%) if R = 30kQ,C = | nF, K = 10kQ, R; = 13kQ,
Ry = 2.2k, and Ds is 2 5.1-V reference diode.

10.24 1n the circuit of Fig. 10.19a let R, = R =R =10kQ, Ry =33KQ, Viyon =07V,
Vzs = 3.6 V, and suppose a control source v, is connected to the inverting input of
OA via a 10-kQ series resistance. Sketch the modified circuit, and show that it allows
for automatic duty-cycle control. What are the expressions for D(%) and f; in terms
of v;? What is the permissible range for v;?

10.25 In the circwit of Fig. 10.20u specity ‘suilable components so that both waves have
peak amplitudes of 5 V and T, and Ty are independently adjustable from 50 us to
50 ms.

10.26 Using a CMOS op amp connected as a Deboo integrator, and a CMOS 555 timer
connected as a Schmitt trigger in the manner of Problem 10.18, design a single-
supply triangular wave generator. Then, show its waveforms and derive an expression
for fo.

10.27 The effect of component tolerances in the VCO of Fig. 10.21a can be compensated
for by inserting a variable resistance R; in series between the control source v; and
the rest of the circuit, and suitably decreasing the nominal value of C to allow for the
adjustment of k in both directions. Design a VCO with k = | kHz/V, k adjustable over
a range of £25%.

10.28 Shown in Fig. P10.28 is another popular VCO. Sketch and label its waveforms, and
find an expression for £, in terms of v I
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FIGURE Pi10.28

10.29 Design a wave shaper circuit that accepts the triangular output of the VCO of Fig. 10.21
and converts it to a sine wave of variable amplitude and offset. Amplitude and offset
must be separately adjustable over the ranges O to 5 V and —5 V to 435 V, respectively.

10.30 Figure P10.30 shows a crude triangular-to-sine wave converter. R, and R; are found
by imposing that veg and vyg /(1 +,R;/R)) have (a) identical slopes at the zero-
crossings, and (k) peak values equal 10 Vo). Assuming Vpen =0.7VatIp =1mA,
find R; and R; if vig has peak values of £5 V; then use PSpice to plot vy and veing
versus time.

Ry
VSINE

VTR Ry D, D,

FIGURE P10.30

10.5 Sawtooth wave generators

10.31 (a) Show that connecting a resistance R4 between the source v; and the inverting-input
pinof the 311 in Fig. 10.24a gives V7 = Vra—klv;l, Vro = Ve /Il + Ra/(Ry || R,
k = 1/[1 + R4/(R: || R3)]. (b) Verify that letting Ry = (R {| RsMRC/Tp —1) getsrid
of the T term in Eq. {10.2 1) and gives fo = [v;|/RCVrg. (c) Assuming Tp = 0.75 us,
specify suitable components for a sensitivity of 2 kHz/V and a low-frequency sawtooth
amplitude of 5 V. Your circuil is to be compensated against the error due to Tp.

10.6 Monolithic waveform generators
10.32 Derive Eq. (10.23).
10.33 Assuming V¢ = 15 V. design an ICL8038 sawtooth generator with fy = | kHz

and M%) = 99%. The circuit must have provision for frequency adjustment over a
+20% range.

10.34 Specify C for a 20-kHz fuli-scale frequency in the VCO of Fig. 10.29.

10.35 Assuming Ve = 15 V, design an XR-2206 sawtooth generator with f = 1 kHz,
D(%) = 99%, and sawtooth peaks of 5 V and 10 V.

10.7 V-F and F-V converters

10.36 {(a) Usingthe AD537 VFC, designacircuit that accepts a voltage in therange —10 V <
vs < 10 V and convets it to a frequency in the range 0 Hz < fo < 20 kHz. The
circuit is to be powered from +15-V poorly regulated supplies. (b) Repeat, but for the
case of an input 4 mA < i5 < 20 mA and an output range 0 < fo < 100 kHz.

10.37 Repeat Example 10.7, but for the Fahrenheit scale.
"

10.38 The circuit of Fig. P10.38 allows for the VFC32 to work with bipolar inputs. {a) An-
alyze the circuit for both v, > 0 and v; < 0, and find a condition for the resistances
that will ensure fo = k|v,|. (b) Specify suitable components for a VFC sensitivity of
10 kHz/V.

15v
R R, 3] G

FIGURE P10.38

1039 Specify suitable component values so that the FVC of Fig. 10.36 yieids a full-scale
output of 10 V for a full-scale input of 100 kHz with a maximum ripple of 10 mV.
Then, estimate how long it takes for the output 1o settle within 0.1% of the final value
for a fuli-scale change in f;.

10.40 Using a 4N28 optocoupler, design an external resistive network to provide an opto-
coupled link between the VFC of Example 10.8 and the FVC of Problem 10.39. The
transistor of the 4N28 gives I (min) = 1 mA with a diode forward current Ip = 10 mA,
Assume £15-V supplies.
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The function of a voltage reference/regulator is to provide a stable dc voltage Vg
starting from a less stable power source V. The general setup is depicted in Fig. 11.1.
In the case of a regulator, V; is usually a poorly specified voltage, such as the
crudely filtered output of a transformer and diode rectifier. The regulated output
Vo is then used to power other circuits, collectively referred to as the load and
characterized by the current Ig that the load draws from the regulator.

In the case of a voltage reference, V; is already regulated to some degree,
so the function of the reference is to produce an even more stable voltage Vg to
serve as a standard for other circuits. The role of a reference is similar to that of a
tuning fork for a musical ensemble. For example, the full-scale accuracy of a digital
multimeter is set by an internal voltage reference of suitable quality. Similarly, power
supplies; A-D, D-A, V-F, and F-V converters; transducer circuits: VCOs; logfantilog
amplifiers; and a variety of other circuits and systems require some kind of reference
Standard, or yardstick, to function with the desired degree of accuracy. The primary
requirements of a voliage reference are thus accuracy and stability. Typical stability
requirements are on the order of 100 ppm/°C (parts per million per degree Celsius) or
better. To minimize errors due to self-heating, voltage references come with modest
Output-current capabilities, usually on the order of a few milliamperes.
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In Out
+ Common +
\7] Vo Load & Iy

FIGURE 11.1
Basic connection of a voltage reference/
regulator.

Traditionally, the standard of voltages has been the Weston cell, an electrochem-
ical device that, at 20 °C, yields a reproducible voltage of 1.018636 V with a thermal
coefficient of 40 ppm/°C. Solid-state references are now available with far better
stability. Even though semiconductor devices are strongly affected by temperature,
clever compensating techniques have been devised to achieve thermal coefficients
below { ppm/°C! These techniques are also exploited in the synthesis of voltages or
currents with predictable thermal coefficients for use in temperature-sensing appli-
cations. This forms the basis of a variety of monolithic temperature transducers and
signal conditioners.

The performance parameters of voltage regulators are similar to those of voltage
references, except that the requirements are less stringent and the output current
capabilities are much higher. Depending on the regulator type, the output current
rating may range from as low as 100 mA to 10 A or higher.

In this chapter we discuss two popular categories, namely, linear regulators and
switching regulators. Linear regulators control Vg by continuously adjusting a power
transistor connected in series between V; and Vp. The simplicity of this scheme
comes at the price of poor efficiency because of the power dissipated in the transistor.

Switching regulators improve efficiency by operating the transistor as a high-
frequency switch, which inherently dissipates less power than a transistor operating
in the continuous mode. Moreover, unlike their linear counterparts, switching reg-
ulators can generate outputs that are higher than the unregulated input or even of
the opposite polarity; they can provide multiple outputs, isolated outputs, and can
be made to run directly off the ac power line, with no need for bulky power trans-
formers. The price for these advantages is the need for coils, capacitors, and more
complex control circuitry, along with much noisier behavior. Nonetheless, switch-
ing regulators are widely used to power computers and portable equipment. Even
in power-supply design for analog systems it is common to exploit the efficiency
and the light-weight advantages of switching regulators to generate preregulated—
if noisy—voltages and then use linear regulators to provide cleaner postregulated
voltages for critical analog circuitry.'

11.1
PERFORMANCE SPECIFICATIONS

The ability of a voltage reference or regulator to maintain a constant output under
varying external conditions is characterized in terms of performance parameters
such as line and load regulation. and the thermal coefficient. In the case of voltage
references, output noise and long-term stability are also significant.

Line and Load Regulation

Line regulation, also called input, or supply reguiation, gives a measure of the circuit's
ability to maintain the prescribed output under varying input conditions. In the case of
voltage references, the input is typically an unregulated voltage or, at best, aregulated
voltage of lower quality than the reference itself. In the case of voltage regulators,
the input is usually derived from the 60-Hz line via a step-down transformer, a
diode-bridge rectifier, and a capacitor filter and is afflicted by significant ripple.
With reference to the symbolism of Fig. 1.1, we define

AV
Line regulation = ——=- 111
8 AU (11.1a)

where AVp is the output change resulting from a change AV at the input. Line
regulation is expressed in millivolts or microvolts per volt, depending on the case.
An alternative definition is

AVo/Vo

Li lation (%) = 100
ine regulation (%) av,

(11.1b)

with the units being percent per volt. As you consult the catalogs, you will find that
both forms are in use.
A related parameter is the ripple rejection ratio (RRR), expressed in decibels as

V -
RRRgg = 20log,q V"— (11.2)
ro

where V,, is the output ripple resulting from a ripple Vj; at the input. The RRR is
used especially in connection with voltage regulators to provide an indication of the
amount of ripple (usually 120-Hz ripple) feeding through to the output.

Load regulation gives a measure of the circuit’s ability to maintain the prescribed
output voltage under varying load conditions, or

AV,
Load regulation = —0 (11.3a)
Alg

Both voltage references and voltage regulators should behave like ideal voltage
sources, delivering a prescribed voltage regardlessof the load current. The i-v char-
acteristic of such adevice is a vertical line positioned at v = V. A practical reference
or regulator exhibits a nonzero output impedance whose effect is a slight dependence
of Vg on . This dependence is expressed via the load regulation, in millivolts per
milliampere or per ampere, depending on the output current capabilities, The alter-
native definition

AVp/Vo

Load regulation (%) = 100
Al

(11.30

expresses the above dependence in percent per milliampere or per ampere.
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EXAMPLE 111, The dawa sheets of the nAT805 5-V voltage regulator (Fairchild)
indicate that V,, typically changes by 3 mV when V; is varied from 7 V 10 25 V, and by
5 mV when /o is varied from (.25 A 10 0.75 A. Moreover, RRRy =78 dB at 120 Hz.
(a) Estimate the typical line and load regulation of this device. What is the output
impedance of the regulator? (b) Estimate the amount of output ripple V,,, for every volt
of V,,'.

Solution.

(a) Line regulation= AV,/AV, =3 x 1073/(25 — 7)=0.17 mV/V. Alternatively,
line regulation = 10017 mV/V)/(5 V)=0.0033%/V. Load regulation = AV, /
Alg = 5x 1073/[(750 - 250)1073] = 10 mV/A. Altemnatively, load regulation =
100{10 mV/A)/(5 V) = 0.2%/A. The output impedance is AVo /Al = 0.01 Q.

(B) Vi, = V,i/10™20 = 0,126 x 1073 x V,;. Thus, a 1-V, 120-Hz ripple at the input

| will result in an output ripple of 0.126 mV.

Thermal Coefficient

The thermal coefficient of Vg, denoted as TC(V ), gives a measure of the circuit’s
ability to maintain the prescribed output voltage Vg under varying thermal condi-
tions. It is defined in two forms,

AVp
TC(Vp) = — I1.4a

(Vo) AT ( )
in which case it is expressed in millivolts or microvolts per degree Celsius, or
AVp/Vo

AT

in which case it is expressed in percent per degree Celsius. Replacing {00 by 108
gives the TC in parts per million per degree Celsius. Good voltage references have
TCs on the order of a few parts per million per degree Celsius.

TC{(Vy) (%) = 100 (11.4b)

EXAMPLE 11.2. The data sheets of the REF101KM [0-V precision voltage reference
l (Burr-Brown) give a typical line regulation of 0.001%/V, a typical load regulation of

0.001%/mA, and a maximum TC of 1 ppm/°C. Find the variation in Vy brought about
by: (@) achange of V; from 13.5 V1035 V; (b) a +10-mA change in {5, (c) a temperature
change from 0 °C to 70 °C.

Solation.

(a) By Eq. (11.1b), 0.001%/V = 100(AV,/10)/(35 — 13.5), or AVy=2.15 mV
typical. »

(b) By Eq. (11.3b), 0.001%/mA = 100(AVp/10)/(£10 mA), or AVy = £1mVY
Lypical.

(c) ByEq.(11.4b), 1 ppm/C = 10°(AV, /10)/(70°C), or AV = 0.7 mV maximum.
You will agree that these are rather small variations for a 10-V source!

In the case of voltage references, output noise and long-term stability are also
important. The data sheets of the aforementioned REF101 give a typical output
noise of 6 uV peak-to-peak from 0.1 Hz to 10 Hz, and a typical long-term stability
of 50 ppm /(1000 hours). This means that over a pericd of 1000 hours (about 42 days)

- the reference output may typically change by (50 x 10710V = 0.5 mV.

Hlustrative Examples

Let us apply the above concepts to the analysis of the classical shunt regulator
of Fig. 11.2, The input is a raw voltage assumed to lie within known limits, or
Vi(min < VI < Vi(max)- The goal is to produce an output V) that is as insensitive
as possible to both input and load variations. This is achieved by exploiting the
nearly vertical i-v characteristic of a Zener diode. As depicted in Fig. 11.3a, this
characteristic can be approximated with a straight line having a slope of 1/r; and
a v-axis intercept at —Vzg, so the coordinates Vz and /7 of an arbitrary operating
point down the curve are related as Vz = Vzg + r;/z. The resistance r,, called
the dynamic resistance of the Zener diode, is typically in the range of a few ohms
to several hundreds of ohms, depending on the diode. Zener diodes are specified
at the point corresponding to 50% of the power rating. Thus, a 6.8-V, 0.5-W, 10-Q2
Zener diode has, at the 50% power point, Iz = (Pz/2)/ Vz = (500/2)/6.8 = 37 mA.
Moreover, Vzo = Vz —r;Jz =68 — 10 x 37 x 1073 = 6.43 V.

It is apparent that a Zener diode can be modeled with a voltage source V¢ and
a series resistance r;, so the circuit of Fig. 11.2b can be redrawn as in Fig. 11.3b.
To function as a regulator, the diode must operate well within the breakdown region
under all possible line and load conditions. In particular, Iz must never be allowed to

Regulator

v

(@) (L] )

FIGURE 11.2 ‘
The Zener diode as a shunt regulator.

Ve

(w) (b

FIGURE 11.3
Breakdown diode characteristic, and equivalent circuit of the shunt regu-
lator.
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drop below some safety value /z(,in). Simple analysis reveals that R; must satisfy
Vimin) — Vzo — re/z(min)

Iz(min) + Tomax)
The value of /z(min) is chosen as a compromise between the need to ensure proper
worst-case operation and the need to avoid excessive power wastage. A reasonable
compromise is Iz(min) = (}/4)0(max)-

We are now ready to estimate the line and load regulation. Applying the super-
position principle, we readily find

Rs <

(1.5

Vo = Vzo ~ (Rs ll r2dlo (11.6)

k: Vi+ s
Ry +r; Ry +r;
Only the second term on the right-hand side is a desirable one. The other two indicate
dependence on line and load as

r

Li lation = z .
ine regulation Retrs (11.7a)

Load regulation = —(R; || ;) 11.7b)

Muitiplying by 100/ Vo gives the regulations in percentage form.

EXAMPLE 113, A raw voitage 10V < 5&/, <20V is to be stabilized by a 6.8-V, 0.5-W,
10-Q2 Zener diode and is to feed a load with 0 < I, < 10 mA. (a) Find a suitable value
for R,, and estimate the line and load regulation. (b) Estimate the effect of full-scale
changes of V; and Iy on V.

Solution.

(@) Let Iziminy = (1/®iomey = 2.5 mA. Then, R, < (10 — 6.43 — 10 x 0.0025)/
(25 + 10)=0.284 kQ (use 270 ). Line regulation=10/(270 + 10)=
35.7 mV/V; multiplying by 100/6.5 gives 0.55%/V. Load regulation = — (10 || 270)
= —9.64 mV/mA, or —0.15%/mA.

(b) Changing V; from 10 V to 20 V gives AVp = (35.7mV/V) x (10 V) =0.357 V,
which represents a 5.5% change in V. Changing I, from 0 to 10 mA gives AV, =
—(9.64 mV/mA) x (10 mA) = —0.096 V, which represents a —1.5% change.

The modest line and load regulation capabilities of a diode can be improved
dramatically with the help of an op amp. The circuit of Fig. I1.4 uses the artifice of

Vi
{12Vl V)
&)

I: 62V Vz 313k0

FIGURE 1.4
Self-regulated 10-V reference.

powering the diode from Vg, that is, from the very voltage we are trying to regulate.
The result is a far more stable voltage Vz, which the op amp then amplifies to give

R
Vo = (1+—2)Vz (1.8
R

This artifice, aptly referred to as self-regulation, shifts the burden of line and load
regulation from the diode to the op amp. As an additional advantage, Vo is now
adjustable, for instance, via Ry. Moreover, Ry can now be raised to avoid unnecessary
power wastage and self-heating effects.
By inspection, we now have
20

I +ap
where a and z,, are the open-loop gain and output impedance, and 8 = Ry /(Rj+R3).
To find the line regulation, we observe that because of single-supply operation, a
1-V change in V; is perceived by the op amp both as a 1-V supply change and as a
0.5-V input common-mode change. This results in a worst-case input offset voltage
change AVps = AV;(1/PSRR + 1/2CMRR) appearing in series with Vz. The op
amp then gives AV = (1 + R2/R1)AVps, so

Line regulation = (l + —::—T) X (ﬁﬁ + %;—R) (11.10)

We observe that since z,, @, PSRR, and CMRR are frequency-dependent, so are the
line and load regulation. In general, both parameters tend to degrade with frequency.

Load regulation = — (11.9)

EXAMPLE 114. Assuming typical 741 dc parameters, find the line and load regulation
of the circuit of Fig. 11.4.

Solution. Load regulation= ~75/[1 4+ 2 x 10° x 39/(39 + 24)) = —0.6 uV/mA =
—0.06 ppm/mA. Using 1/PSRR =30 uV/V and 1/CMRR = 10~/ = 31,6 uV/V,
we get line regulation = (1+24/39) x (30+ 15.8)1075 = 74 uV/V = 7.4 ppm/V. They
represent dramatic improvements over the circuit of Example 11.3.

Dropout Voltage

The circuit of Fig. 11.4 will work properly as long as V; does not drop too low to
cause the op amp to saturate. This holds for voltage references and regulators in
general, and the minimum difference between V; and Vg for which the circuit still
functions properly is called the dropout voltage VpG. In the example of Fig. 11.4
the 741 requires that Ve be at least a couple of volts higher than Vg, so in this
case Vpo = 2 V. Moreover, since the maximum supply rating of the 741 is 36 V, it
follows that the permissible input voltage range for the circuitis 12V < V; <36 V.

Start-up Circuitry

In the self-regulated circuit of Fig. 1 1.4, V¢ depends on Vz, and Vz, in turn, depends
on Vg being greater than Vz to keep the diode reverse biased. If at power tumn-on
Vo fails to swing to a value greater than V7, the diode will never turn on, making
positive feedback via Ry prevail over negative feedback via Ry and R|. The result
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is a Schmitt trigger latched in the undesirable state V¢ = Vpi.. The possibility for
this undesirable behavior is commen in most self-biased circuits, and is avoided by
using suitable circuitry, known as start-up circuitry, 10 override the amplitier and
prevent it from latching in this undesirable state when powes is first applied.

The particular implementation of Fig. 11.4 will start properly because of the
internal pature of the op amp being used. With reference te Fig. 5.1, we observe
that at power turn-on, when v p and vy are still zero, the first two stages of the 741
remain off, allowing /g toturn onthe output stage. Consequently, ¥V will swing posi-
tive until the Zener diode turns on and the circuit stabilizes at Vo = (1 + R/ R)) V2,
However, if another op amp type is used, the circuit may never be able to prop-
erly bootstrap itself, thus requiring start-up circuitry. We shall see an example in
Section 11.4.

-

11.2
VOLTAGE REFERENCES

Besides line and load regulation, thermal stability is the most demanding perfor-
mance requirement «§ voltay o iclerences due to the tendency of IC components to
be strongly influenced by vy ciatare.? For example, consider the siticon pa junc-
tion, which forms the basis of diodes and BITs. Its forward-bias voltage Vp and
current I p are related as Vp = V5 In(Ip/i;), where V7 is the thermal voltage and
I the saturation current. Their expressions are

Vr =kT/q (1L.l1a)
Is = BT3 exp(—Vgo/ V1) (1.11b)

where k = 1.381 x 10723 js Boltzmann’s constant, g = 1.602 x 10~ C is the elec-
tron charge, T is absolute temperature, B is a proportionality constant, and Vo =
1.205 V is the bandgap voltage for silicon.

The TC of the thermal voltage is

TC(Vr) = k/q = 0.0862 mV/°C (11.12)

The TC of the junction voltage drop Vp ata givenbias Ip is TC(Vp) = aVp/oT =
@Vr/9T) In(Ip/ls) + VralnUp/IH)/aT = Vp/T — Vrd(3InT — Vgo/ V1)
9T. The result is .

TC(Vp) = —(Yﬂ’—TiX‘l + %}f) (11.13)

Assuming Vp =650 mV at 25 °C, we get TC(Vp) = —2.1 mV/°C. Engineers
remember this by saying that the forward drop of a silicon junction decreases by
about 2 mV for every degree Celsius increase, Equations (11.12) and {(11.13) form
the basis of two common approaches to thermal stabilization, namely, thermally
compensated Zener diode references and bandgap references. Equation 11.12 forms
also the basis of solid-state temperature sensors.

Thermally Compensated Zener Diode References

The thermal stability of Vg in the self-regulated reterence of the previous section
can be no better than that of V7 itself. As depicted in Fig. 11.5a, TC(Vz) is a
function of Vz as well as I'z. There are two different mechanisms by which the i-v
characteristic breaks down: field emission breakdown, which dominates below 5 V
and produces negative TCs, and avalanche breakdown, which dominates above 5V
and produces positive TCs. The idea behind thermally compensated Zener diodes
is to connect a forward-biased diode in series with a Zener diode having an equal
but opposing TC, and then fine-tune Iz to drive the TC of the composite device
10 zero.? This is illustrated in Fig. 11.55 for the compensated diodes of the popular
IN821-9 series (Motorola). The composite device, whose voltage we relabel as
Vz =55+0.7 =6.2 V, uses Iz = 7.5 mA 1o minimize TC(Vz). This TC ranges
from 100 ppm/°C (IN821) to 5 ppm/°C (1N829).

5
4
3
g 2 4
E
s ~0
3 o) foma 001 mA iy
g 30mA —| /7’— 0.1 mA I IVYTCh o+
- /lf I mA (7.5 mA) \i Y2 1IC=0
_ . 55V & TC>0
2 i l -
3
2 3 4 s 6 71 8 9 —©
Vz (V)
(a) (0]
FIGURE 11.5 i

(a) TC(Vz) as a function of V7 and {z. (b) Thermally compensated breakdown diode.
(Courtesy of Motorola, Inc.)

Self-regulated references based on thermally compensated Zener diodes are
available in monolithic form. An example is the REF101 10-V precision reference
(Burr-Brown) depicted in Fig. 11.6a. The device includes also a pair of matched
20-k€2 resistances 1o facilitate applications. The typical drift curve of Fig. 11.6b
indicates a maximum output change of 0.7 mV for a thermal excursion of 0 °C to
70 °C. Other specitications are shown in Fig. 11.7.

Another popular device® is the LM329 precision reference diode (National Semi-
conductor) shown in Fig. 11.8 (bottom). This device uses Zener diode Q3 in series
Wwith the BE junction of Q3 to achieve TCs ranging from 100 ppm/°Cto 6 ppm/°C,
depending on the version. The device uses also active feedback circuitry to lower
?he effective dynamic resistance to r; = 0.6 Q typical, | © maximum. Except for
1ts much greater stability and much lower dynamic resistance, it acts as an ordinary
Z'ener diode, and it is biased via a series resistor to provide shunt regulation. The
bias current may be anywhere between 0.6 mA and 15 mA.
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FIGURE 11.6
The REF101 10-V voltage reference and its drift characteristic. (Courtesy of Busr-Brown.)
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FIGURE I1.7
REF101 10-V voltage reference specifications. (Courtesy of Burr-Brown.)
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FIGURE 11.8

Circuit diagram of the LM399 6.95-V thermally stabilized reference. (Cour-
tesy of National Semiconductor.)

Thermal stability can be improved further via substrate thermostating.* The
LM399 stabilized reference of Fig. 11.8 uses the aforementioned LM329 active
diode (shown at the bottom) to provide the referenca-proper, and suitable stabilizing
circuitry (shown at the top) to sense the substrate temperature and hold it at some
set value above the maximum expected ambient temperature. Thermal sensing is
done via the BE junction of Q4, and substrate heating via the power-dissipating
transistor Q1. At power turn-on, @) heats the substrate to 90 °C, where it is then
maintained within less than 2 °C over ambient variations from 0 °C to 70 °C. The
result is a typical TC of 0.3 ppm/°C. Another thermatly stabilized reference is the
LTZ1000 Super Zener (Linear Technology). An obvious drawback of these devices
is the additional power required to heat the chip. For instance, at 25 °C, the LM399
dissipates 300 mW. An LM399 application will be shown in Fig. L1.11.

A notorious problem with breakdown diodes is noise, especially avalanche
noise, which plagues devices with breakdown voltages above 5 V, where avalanche
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breakdown predominates. The use of diode structures of the so-called buried, or
subsurface, type* reduces noise significantly while improving long-term stability
and reproducibility. The 1.M399 uses this structure to achieve a typical noise rating
of 7 ¢V (rms) from 10 Hz to 10 kHz. When noise becomes a factor, noise-filtering
techniques of the type discussed in Section 7.4 can be used.

Bandgap Voltage References

Since the best breakdown voltages range from 6 V to 7 V, they usually require supply
voliages on the order of 10 V to operate. This can be a drawback in systems powered
from lower supplies, such as % V. This limitation is overcome by bandgap voltage
references, so called because their output is determined primarily by the bandgap
voltage Vo = 1.205 V. These references are based on the idea of adding the voltage
drop Vpg of a base-emitter junction, which has a negative TC, to a voltage K Vr
proportional to the thermal voltage Vi, which has a positive TC.Z With reference
to Fig. 11.9a we have Vgg = K V¢ + Vg, so TC(Veg) = KTC(Vr) + TC(VaE),
indicating that to achieve TC(Vpg) = 0 we need K = —TC(Vgg)/TC(Vr) or, using
Eqs. (11.12) and (11.13),

. Vr
Substituting into Vg = K Vr + Vpg gives
Ve = Vgo +3Vr (11.15)

At 25 °C we have Vpg = 1.205 + 3 x 0.0257 = 1.282 V.

~————— 0
-

VJE pi N (TC<0) +
. Vpo (TC = 0)
KV, T (TC>0) _

N —

() b)

FIGURE 119
Bandgap voltage reference.

Figure 11.9b shows one of several popular bandgap-cell realizations. Known as
the Brokaw celi for its inventor,? the circuit is based on two BITs of different emitter
areas. The emitter area of @ is n times as large as the emitter area Ag of (3, so
the saturation currents satisfy /5y /I;2 = n, by Eq. (5.32). With identical collector
resistances, the collector currents are also identical, by op amp action. Ignoring base
currents, we have K Vr = Rq{lc1 + Ic2) = 2Rl ¢y, or

Verr ~ Vegy 2Ry Icalsy 2Ry
KVr=2R4——————— = —Vrn = —Vrian
Ry Rs T Isalen Rj3
indicating that
R
K=2"21n (11.16)
Ry

This constant can be fine-tuned by adjusting the ratio R4/ R3. The op amp raises the
cell’s voltage to Vrgr = (1 + R/ R1)Vgg.

EXAMPLE 115 Assuming n = 4and Vgi2 (25°C) = 650 mV inthecircuitof Fig. 1 1.9b
specify Ra/R; for TC(Vgg) = 0 at 25 °C, and Ry /Ry for Vpge = 5.0V,

Solution. By Eq. (11.14), K = (1.205 - 0.65)/0.0257 + 3 = 24.6. Then, Ry/R; =
K /(2In4) = 8.87. Moreover, imposing 5.0 = (| + R,/R,)1.282 gives R,/ R, = 2.9.

Thanks 10 their ability to operate with low supply voltages, bandgap references
(see also the alternative realizations? of Problems 1.5 and 11.6) find wide applica-
tion as part of systems such as voltage regulators; D-A, A-D, V-F, and F-V converters;
bar graph meters; and power-supply supervisory circuits. They are also available as
stand-alone products, cither as rwo-terminal or as three-terminal references, and
sometimes they come with provisions for external trimming.

An example of a two-terminal reference is the already familiar LM385 2.5-V
micropower reference diode (National Semiconductor). Besides the bandgap cell,
the device includes circvitry to minimize its dynamic resistance as well as raise the
cell voltage to 2.5 V., Typically, it has a TC of 20 ppm/°C and a dynamic resistance
of 0.4 Q. Itis biased with a plain series resistance, and its operating current may be
anywhere between 20 1 A and 20 mA.

An example of a three-terminal reference is the REF-05 5-V precision reference
(Analog Devices). Its output, rated at 5.00 V £ 30 mV, can be adjusted externally
over a £300-mV range. The REF-05SA version has, typically, TC = 3 ppm/°C
for —55 °C < T <125 °C, line regulation = 0.006%/V for 8 V < V; <33V, load
regulation = 0.005%/mA for 0 < 5 < 10 mA, output noise = 10 uV peak-to-peak
from 0.1 Hz to 10 Hz, and long-term stability = 65 ppm/ 1000 hours.

Monolithic Temperature Sensors

The voltage K Vr arising in bandgap cells is linearly proportional 1o absolute tem-
perature (PTAT). As such it forms the basis for a variety of monolithic temperature
sensors® known as VPTATs and IPTATS, depending on whether they produce a PTAT
voltage or a PTAT current. These sensors enjoy the low-cost advantages of IC fabri-
cation and do not require the costly linearization circuitry common to other sensors,
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FIGURE 11.10
Basic temperature sensors using the LM335 VPTAT and the AD590 IPTAT.

such as thermocouples, RTDs, and thermistors. Besides temperature measurement
and control, common applications include fluid-level detection, flow-rate measure-
ment, anemometry, PTAT circuit biasing, and thermocouple cold-junction compen-
sation. Moreover, IPTATSs are used in remote-sensing applications because of their
insensitivity to voltage drops over long wire runs.

A popular VPTAT is the LM335 precision temperature sensor (National Semi-
conductor). As shown in Fig. 11.10a, this device acts as a reference diode, except
that its voitage is PTAT with TC(V) = 10 mV/K. Thus, at room temperature it gives
V(25 °C) = (10 mV/K) x (273.2 + 25)K =2.982 V. The device is also equipped
with a third terminal for the exact adjustment of its TC. The LM335A version
comes with an initial room-temperature accuracy of 1 °C. After calibration at
25 °C, its typical accuracy is £0.5 °C for —40 °C < T < 100 °C. Its operating cur-
rent may be anywhere between 0.5 mA and 5 mA, and its dynamic resistance is less
than 1 £2.

A popular IPTAT is the AD590 two-termina! temperature transducer (Analog
Devices). To the user this device appears as a high-impedance current source pro-
viding | #A/K. Terminating it on a grounded resistance as in Fig. 11.10b gives a
VPTAT with a sensitivity of R x (1 pA/K). The AD590M version comes with a
room-temperature accuracy of £0.5 °C maximum. After calibration at 25 °C, the
accuracy is £0.3 °C maximum for —55 °C < T <150 °C. The device operates
properly as long as the voltage across its terminals is between 4 V and 30 V.

Additional temperature-processing devices include Celsius and Fahrenheit sen-
sors, and thermocouple signal conditioners. Consult the manufacturer catalogs to
see what is available.

113
VOLTAGE-REFERENCE APPLICATIONS

When applying voltage references, care must be exercised to prevent the external
circuitry and wiring interconnections from degrading the performance of the refer-
ence. This may require the use of precision op amps and low-drift resistors, along

7.5k

—0 100V

FIGURE 11.11
Buffered 10-V reference. s

with special wiring and circuit-construction techniques. As an example, consider the
circuit’ of Fig. 11.11, which uses a precision op amp to raise the output of a thermally
stabilized reference to 10.0 V. We wish to assess the impact of op amp and wiring
nonidealities. The LM399 data sheets give TCinax = 2 ppm/°C and rymax) = 1.5 Q,
and the LT1001 data sheets give TC(Vps)max =1 uV/°C, TC(Ig) = 4 pA/°C,
CMRRB(min) = 106 dB, and PSRRygmin) = 103 dB.

The maximurm drift due to the LM399 is 2 x 1075 x 6.95 = 13.9 uV/°C, and
that due to the overall input error of the LT1001 is 1 x 1076 4 (20} 8.87)10% x 4 x
10712 = | puV/°C; consequently, the worst-case output drift is (1 + 8.87/20) x
(1394 1)=1.44 x 14.9 = 21.5 uV/°C. The worst-case line regulation due to the
LM399is 1.5/(1.5+7500) = 200 5 V/V, and that due to the LT1001 is 10-103/204.
0.5 x 107106/20 — (71 4 2.5) = 9.6 uVIV; consequently, the overall worst-case
line regulation is 1.44(200 4-9.6) = 303 uV/V. To give an idea, a |-V power-supply
change has the same effect as a temperature change of 303/21.5 = 14 °C. It is
apparent that the use of a precision op amp causes negligible degradation in the
present example.

However, when the circuit is fabricated, its drift may be compromised by ther-
mocouple effects arising from thermal gradients across dissimilar metals. The kovar
leads of the ICs form thermocouple junctions with the copper traces of the printed-
circuit board. A gradient of just 1 °C between the leads of the chip-heated LM399
will generate an error on the order of 50 pV. Thermal gradients are reduced by
using equal-size pads and traces to ensure equal amounts of heat dissipation at
the two junctions, and by paying attention to other sources of heat, such as power
stages.

Even after all the above sources of error have been minimized, special attention
must be paid to wiring and interconnections, since voltage drops across stray re-
sistances may degrade performance significantly. For instance, a copper trace with
a stray resistance of 1 § develops an error of | mV/mA and introduces a TC of
4 (uV/mA)C (the TC of copper is 0.004%/°C). For a 10-V reference, this corre-
sponds to an accuracy degradation of 0.01% and a TC of 0.4 ppm/°C.

An effective technique for combating stray-resistance errors, especially in high-
current applications, is remote sensing, as already illustrated in Fig. 2.22 in
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FIGURE 11.12
Remote sensing to eliminate the effect of unwanted voltage drops due to the stray wire

resistances r;.

connection with instrumentation amplifiers. The technique is shown in Fig. 11.12
for a REF101 reference whose cutput current capability is boosted with an LM395
high-gain power transistor. To prevent the voltage losses across the stray resistances
rs from degrading the voltage received by the load, the feedback and common pins
are connected 10 the load by a separate pair of wires, thus ensuring that the 10.0-V
voltage appears directly across the load, regardless of the offending voltage drops.
The stray resistance of this additional set of wires is less critical due to the much
lower currents involved.

Voltage Sources

Voltage references can readily be used as the basis for a variety of precision voltage
sources. The circuit of Fig. 11.13 utilizes the matched resistance pair inside the
REF101 10-V reference of Fig. 11.6a to provide a variable voltage source. When
the wiper is at the bottom, the op amp acts as a unity-gain inverting amplifier and

gives Vo = —10 V; when the wiper is at the top, it acts as a unity-gain buffer and
-
8
0 wka |
,—\M__.
REF101 A
t5v o Vee ou P 10in
Common
4J_ =

FIGURE 11.13
Variable reference over the range ~10V < Vp < 10V.

gives Vg = +10 V. Consequently, varying the wiper from end to end varies the
output over the range —10 V < Vp < + 10 V. With imagination, a variety of other
useful circuits can easily be devised”8 (see also the end-of-chapter problems).

Current Sources
A voltage reference can readily be turned into a current reference® by bootstrapping
its common terminal with a voltage follower, as in Fig. 11.14. By op amp action, the
voltage across R is always VgEgF, so the circuit gives
Vi
fo = =2+ (a14n

regardless of the voltage V), developed by the load, provided no saturation effects
occur. The permissible range of values of V. is called the voltage compliance of the
current source,

EXAMPLE 116. The circuit of Fig. 11.14 uses a 5-V reference with TC = 20 uVF°C,
line regulation = 50 1. V/V, and dropout voltage Vpo = 3 V, and a JFET-input op amp
with TC(Vps) = 5 uV/C and CMRRyg = 100 dB. (a) Specify R for ip = 10 mA.
(b) Find the worst-case values of TC(Io) and of the resistance R, scen by the toad.
{c) Assuming +15-V supplies, find the voltage compliance.

Solution.

(@) R =5/10=500 Q (use 499 Q, 1%).

(b) A 1°Cchange in T causes a worst-case change in the voltage across R of 20+ 5 =
25 uV/I°C; the corresponding change in /o) is 25 x 1075/500 = 50 nA/°C. A 1-V
change in V;, causes a 50-.tV/V change in Vagr anda 107972 = 10 4 V/V change
in Vo, for a worst-case change in I of (50 + 10Y107%/500 = 120 nA/V. Thus,
Ropminy = (1 V)/(120 nA) = 8.33 MQ.

(€} VisVee—Voo-Vagr =15-3-5=7V.

Reference
VecO—f In Out |—o———
Commeon Vagr

FIGURE 11.14
Tuming a voltage reference into a current
source,

. The bootstrapping principle can readily be applied to the case of diode references
to implement either current sources or current sinks. This is shown in Fig. 11.15,
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FIGURE 11.15

Using a reference diode to implement a current source and a current

sink.

!

where 19 = VRgr/ R for both circuits. The function of R is to bias the diode. If an
LM38S reference diode is used, imposing a bias current of 100 uA when vV = 0
yields R| = 150 k2. The voltage compliance of the source is V; < Vgy — VRgs,
and that of the sink is V;, > VoL + Vrep. If a2 741 op amp and a 2.5-V diode are
used, then V; < 10.5 V for the source, and Vr > —10.5 V for the sink.

When the circuits just discussed fail to meet load-current demands, we can use
current-boosting transistors. The circuit of Fig. 11.16a uses a pnp BIT to source
current. By op amp action, the voltage across the current-setting resistance R is
VREF. 80 the current entering the emitter is /g = Vrgp/R. The current leaving the
collector is Ic = [B/(B + D1k, s0 Ig = [B/(B + DNIVrer/R = VRer/R. The
voltage compliance is Vi, < Voo — VrRer — VEC(say-

(@) (L)

FIGURE 11.16
Current sources with current-boosting transistors.

EXAMPLE 11.7. Let the circuit of Fig. 11.16a use a 741 op amp with Ve = ISV,
an LM385 2.5-V diode with a bias current of 0.5 mA, and a 2N2905 BIT with R, =
1 k2. (a) Specify R and R, for Io = 100 mA. (b) Assuming typical BJT parameters,
find the voltage compliance of the source, and check that the 741 is operating within
specifications.

Solution.

{a) Wehave R = 2.5/0.1 =25Q (use 249, 1%).and R, = (15-2.5)/0.5 = 25kQ
(use 24 kQ).

) Vi <15-2.5-0.2=12.3V.The 741 inputs are at 15—2.5 = 12.5 V, which is within
the input voltage range specifications. Assuming f = 100 so that /3 = 1 mA, we
find that the 741 output is at Voo — Vegr — VEB(O!IL’“ Rylg =15-25-07-1x1=
10.8 V (which is below Vyy = 13 V), and sinks a current of 1| mA (which is below
I« = 25 mA). Consequently, the 741 is operating within specifications.

For higher output currents, the transistor can be replaced by a power pnp

Darlington, or by a power enhancement p-MOSFET as in Fig. 11.16b. In these
cases, heat-sinking, 1o be discussed in Section 11.5, may be required.

Temperature-Sensor Applications

In thermometer applications it is desirable that V(T) and /(T) be calibrated in

" degrees Celsius or Fahrenheit rather than in kelvins, If a VPTAT or an IPTAT is

used, then suitable conditioning circuitry is required.®

The circuitof Fig. 11.17 senses tempetature via the AD590 IPTAT, whose current
can be expressed as J/(T) = 273.2 uA + (1 pA/PC)T, T in degrees Celsius. By the
superposition principle, .

Vo(T) = Ry(273.2+ T)107% - 10R,/R,

It is apparent that letting Ry = 10/(273.2 x 107%) = 36.6 k2 will cause a can-
cellation and leave Vo (T) = Ry1079T, T in degrees Celsius. For a sensitivity of
100 mV/°C, use Ry = (100 mV)/(1 pA) = 100 k2. To compensate for the various
tolerances, implement Ry with a 35.7-kQ resistor in series with a 2-k$2 pot, and R
with a 97.6-kQ resistor in series with a 5-k<2 pot. To calibrate, (a) place the IPTAT
in an ice bath (T = 0 °C) and adjust Ry for Vo (T) = 0 V; (b) place the IPTAT in
boiling water (T = 100 °C) and adjust R; for Vg (T) = 10.0 V.

ADS8I
gov R Ry
15Vo—in  Ouw

Common

1 Vo(T)

M AD5%0 IPTAT oPT7 100 mV/*C

-15V

FIGURE 11.17
Celsius sensor.
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FIGURE 11.18
Thermocouple cold-junction compensation using the AD590
IPTAT.

Another popular application of temperature sensors is cold-junction compen-
sation in thermocouple measurements.® A thermocouple is a temperature sensor
consisting of two wires of dissimilar metals and producing a voltage of the type

Vec =a(Ty — Tg)

where T is the temperature at the measurement or hot junction; T is the temperature
at the reference or cold junction, formed where the thermocouple is connected to the
leads (usually of copper) of the measuring device; « is the Seebeck coefficient. For
example, Type J thermocouples are made up of iron and constantan (55% Cu and
45% Ni), and give & = 52.3 uV/°C.

Itis apparent that a thermocouple inherently provides only relative terperature
information. If we want to measure T; regardless of T, we must use another sensor
to measure Tg, as exemplified in Fig. 11.18, Using again the superposition principle,

R
Vo = (1 + R, "2R3)a(TJ — Tg) + R2(273.2+ T)107% — 10Ry/ Ry

where bbth T; and Ty are in degrees Celsius. As before, we select R to cancel out
the 273.2 term, K3 to cancel out Tg, and R; to achieve the desired output sensitivity.
"»

EXAMPLE 118 Ifthe thermocouple of Fig. 11.18 isatype ] for whicha = 52.3 uV/°C,
specify suitable component values for an output sensitivity of 10 mV/°C. Outline its
calibration.

Solution. As before, let R, = 10/(273.2 x 107%) = 36.6 kS to cancel out the 273.2
term. This leaves

R,
Vg=(l+_)aT—T + R Tr10°¢
AT (1, R) 2Tx

Next, impose [1 + R2/(Ry || Ry))a = R;107% = 10 mV/°C 10 cancel out T as well as
achieve the desired output sensitivity. The results are R; = 10.0kQ and R; = 52.65 2.

In practice we would use R; = 52.3 Q, 1%, and make R, and R, adjustable as
follows: (a) place the hot junction in an ice bath and adjust R, for Vo(T,) = 0V,
(b) place the hot junction in a hot environment of known temperature and adjust R
for the desired output (the second adjustment can also be performed with the help of a
thermocouple voltage simulator).

To suppress noise pickup by the thermocouple wires, use an RC filter as shown, say
R=10kQand C =0.1 uF.

Thermocouple cold-junction compensators are also available as self-contained
LC modules. Two examples are the ADS594/5/6/7 series {Analog Devices) and the
LT1025 (Linear Technology).

11.4
LINEAR REGULATORS

As shown in Fig. 11.19, a voltage regulator uses the Darlington pair Qy and (9,
also called the series-pass element, to transfer power from an unregulated input
source V; to a load at a prescribed regulated voltage V. The feedback network
R\ and R, samples Vo and feeds a portion thereof to the error amplifier EA for
comparison against a reference Vger. The amplifier provides the series-pass element
with whatever drive it takes to force the error close to zero. The regulator is a classic
example of series-shunt feedback, and it can be viewed as a noninverting op amp
that has been equipped with a Darlington current booster to give

R
Vo = (l + F’-) VREF (11.18)
1

Since the error amplifier provides currents on the order of milliamperes and
the load may draw currents on the order of amperes, a current gain on the order of
10° A/A is required. A single power BJT is usually insufficient, so a Darlington pair
is used instead, whose overall current gain is # = B x B3. We observe that for
an npn BJT to work in the forward-active region, where Jc = 81g, the condi-
tions vgE = Vg(on) and veE 2 Vog(sany must hold. A low-power BJT has typically

FIGURE 11.1%
Basic series voltage regulator.
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B =100, Vggony = 0.7V, and Vegsay = 0.1 V; a power BIT may have § = 20,
VeEn) = 1 V. and Veggay = 0.5 V.

Because of wide thermal excursions due to self-heating, and voltage errors due to
stray resistances in the wiring system, the accuracy and stability of voltage regulators
are less stringent than those of voltage references. The source VREr is usually of the
bandgap type, and the regulator is configured for the desired V¢ by proper selection
of the ratio R2/R;.

The efficiency of the regulator is given by the ratio of the average power delivered
to the load to that absorbed from the source, or n = Pg/P;. Since Pp = Vglp
and P; = V1o, we get

~ 10070
(%) = 100— (11.19)

Vi
where we have ignored the currents drawn by the reference, amplifier, and feedback
network compared to .

EXAMPLE 119. Let Rg = 510 Q and Rg = 3.3 k€2 in the regulator of Fig. 11.19.
Assuming a bandgap reference and typical BJT parameters, find (@) R;/R, for Vo =
5.0V, (b) the error-amplifier output drive,needed to provide Io = 1 A, (c) the dropout
voltage Vng if the error amplifier saturates at Voi = V; — 0.5 V, and (d) the maximum
efficiency attainable for the given Io.

Solution.

(a) Imposing 5 = (1 + Ry/R,)1.282 gives Ry/R| = 2.9.

(b) For Jo=1 A we have Ig =1Ig /(B + 1) = 1/21 = 48 mA, and Iy = Ip +
Vaeiony/ Re = 48 mA. The error amplifier must thus source fos =I5y = Ig2/(B2 +
by = 48/101 = 0.47 mA; moreover, Vou = Vg, + Varzom + Veerom + Yo =
051 x0474+0.74+1+5=7V.

(¢} For the circuit to work property we need voa < Vo and vee = Vegpay for both
BJTs. It is readily seen that these conditions are met if V; > 7.5 V. Hence, Vpo =
75-5=25V.

(d) Since V; > 7.5V, n(%) < 5/71.5= 67%.

Protections

The reliable performance of a power BIT is critically affected by power dissipation
capabilities, current and voltage ratings, maximum junction temperature, and second
breakdown, a phenomenon resulting from the formation of hot spots within the BJT,
which cause uneven sharing of the total load among different regions of the device. 10
The above factors define a restricted region of the ic-vcg characteristic, known as
the safe operating area (SOA), within which the device can be operated without the
risk of failure or performance degradation. Figure 11.20 shows typical SOA data for
the case of continuous operation. Note, for instance, that while the BJT can draw a
current of 10 A up to veg = 12V, at veg = 100 V it can only handle 1 A without
risking second-breakdown failure.

Voltage regulators are equipped with special circuitry to protect the power stage
against current overload. second breakdown. and thermal overload. Each circuit is
designed to be inactive under normal operating conditions, but to become active as
s00n as an attempt is made to exceed the corresponding safety limits.

A=
L)

ic (A)

0.1

1 10 »100
veg (V)

FIGURE 11.20

Typical power BIT safe operating area
(SOA): (1) bonding-wire limited, (2) ther-
mally limited, (3) second-breakdown lim-
ited, and (4) voltage-rating limited.

Current overload protection is dictated by maximum power-rating considera-
tions. Since the power dissipated by the series-pass BJT is P = (V) — vp)ip, we
must ensure ig < Pmax/(V) — vg) for safe operation. The protection scheme of
Fig. 11.21q, similar to that discussed at the end of Chapter 5 for op amps, uses a
brute-force approachtokeep i below the limit foc = Pyax/ V7, which occurs when

v, v
Ry
EA Q&
(1)
R!C
Ry Ry vo
Load & i
Yo Yo
Veeo VreG
:
. | .
0 o 0 o
0 I 0 e I
(a} (h)

FIGURE 11.21
Oulput overload protection: (a) short-circuit protection, and (b)
current fold-back protection.
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the output is short-circuited to ground, or v = 0. As we know, he resulting design
equation is

Ry = VBENom (11.20)
T
The alternative scheme of Fig. 11.21b, called current fold-back for the shape
of its curve, is designed to provide more efficient protection by raising the upper
limit to Ity = Pmax/(V; — vo) at v = VReg. while retaining the short-circuit limit
Ise = Ppnax/ Vi at vo =0. It can be proved (see Problem 11.15) that the design
equations, assuming /g3 is negligible, are

i Iy — I Ry _Rp

1
a7 —=—-1 (a1.2n
R Ry VREG Ry Rsc

EXAMPLE 11.10. A 5-V regulator with V; = 8 V uses a 12-W series-pass BIT. (a) As-
suming typical BJT parameters, specify svitable components for output shord-circuit
protection. (b) Repeat, but for fold-back protection.

Solution.
@ Le=12/8=15A; R, =07/1.5=047 Q.
b) Ip = 12/(8 —5) = 4 A; Rp = [1/0.47 — (4 — 1.5)/5]"" = 0.61 Q; Ry/Ry =

0.61/0.47 — 1 = 0.3. For vg = 0, impose Vpgyony/(R3 + Ra) = 10/53. Assuming
151 = 0.1 mA, we get R; = 160 2 and Ry = 540 Q.

To confine the series-pass BJT within its SOA, its collector current must be
reduced in case the collector-emitier voliage rises above a safety level, a likely
event when high-voltage transients are present on the unregulated input line. This
protection is implemented with a Zener diode, as shown in Fig. 11.22. This diode,

Vo * ®
ni

+
Ver =

FIGURE 11.22
Positive regulator with overload, SOA, and thermal protection.

T"

normally in cutoff, is designed to turn on as soon as ¥ rises above a safety level.
The current supplied by D, will then turn on Q3 and divert current away trom the
base of the series-pass BIT, as in the case of current overioad. The function of Rs is
to decouple the base of (23 from the low-impedance emitter of the power BIT, and
that of Rg is to limit the current through D},, particularly in the presence of large
noise spikes on the input line.

Excessive self-heating may cause permanent damage to BJTs, unless junction
temperatures are kept from rising above a safety level, usually 175 °C or less. The
series-pass BIT is protected by sensing its instantaneous temperature and reducing
its collector current in case of thermal overload. In the circuit of Fig. }1.22 this
protection is provided by Q4, a BJT mounted in close thermal coupling with the
series-pass element. Temperature is sensed by exploiting the negative TC of Vgpy.
This BIT is designed to be in cutoff during acceptable thermal conditions, but (o
turn on as soon as the temperature approaches 175 °C. Once in conduction, Q4 will
divert current away from the base of the series-pass BJT, reducing its conduction
to the point of even shutting it off until the temperature drops to a more tolerable
level.

EXAMPLE 1L11.  Assuming Vggs (25 °C) = 700 mV, find R; and Ry to cause thermal
shutdown at 175 °C if Vg is a bandgap reference.

Solution. The voltage required to turn on Q4 can be estimated as Vg (175 °C) =
Vags (25 °C) 4+ TC(Vpea)(175 — 25) °C = 700 mV + (-2 mV/°C)150 °C = 400 mV.
Ignoring /g4 and imposing 0.4 = [Ryg/(Rg + R7)]1.282 gives Ry/Ry = 2.2. Assum-
ing'lm = 0.1 mA and imposing Vaer/(R7 + Ry) = 10/, gives Ry = 880 Q and
Ry = 400 Q.

Monolithic Voltage Regulators

Manufacturers’ data books report a wide variety of monolithic regulators, For reasons
of space, we limit ourselves 1o a few examples.

Two of the earliest products 1o gain wide popularity were the £ A7800 series of
positive regulators and the wA7900 series of negative regulators (Fairchild).
::gure 11.23 depicts the 7800 serics, where we identify the following functional

ocks.

1. Q6 and Q7 form the series-pass element.

2. Qy5, Dy, and Q14 provide, respectively, output short-circuit protection, SOA
protection, and thermal shutdown.

3. 0y through @ form a combined bandgap-reference/error-amplifier designed to
keep the base of Qg at 5 V via negative feedback.

4. Ry9 and Ry form a feedback network designed to give

R
v0=(l+ﬂ)5v (11.22)
Ry

Vo is factory-programmed fora Qariely of different values by selecting the proper
tap on Rop during fubrication. For instance, with Ry = (O the device is configured
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FIGURE 11.23
The ;£ A7800 series of three-terminal positive voltage regulators. (Copyright, Fairchild Semi-
conductor Corporation, 1982. Used by permission.)

for Vo = 5 V and is called 7805; likewise, Ryp = 10 k<2 yields the 7815 15-V
regulator, and Ryp = 7 kQ yields the 7812 12-V regulator.

5. @13, along with the biasing network consisting of D and @2, functions as the
start-up circuit. At power turn-on, Q3 brings up the voltage-reference section
and also turns on the series element Q16- (217 via the current mirror Qg- (9. This
causes Vg to swing positive, until negative feedback takes over and turns off
@13, which thus remains inactive during normal operation.

Figure 1 1.24 shows the electrical characteristics of the 7805.

The pA78G is similar to the 7800, except that Ry¢ and Ryg are omitted and
the base of Qg, referred to as the control pin, is made accessible to the user for
the external setting of V. Called a four-terminal adjustable regulator, the device is
especially useful in remote sensing. As depicted in Fig. 11.25, mounting the feedback
network right across the load and equipping it with separate returns will ensure a
regulated voltage Vg = (1 + R2/R1)5 V right at the load, irrespective of any
voltage drops across the stray resistances ry of the wires. The four-terminal version
of the 7900 negative regulators is called the £ AT9G.

Another popular class of products is offered by three-terminal adjustable regu-
{ators, of which the LM317 positive regulator and the LM337 negative regulator

Abssiuts Maximum Rolings
input Volage (6 V tiwough 18V) 3 V
2av) wv

Internal Power Dissipation ntermally Limited
Borage Temperature Range =88°C to +180°C
Junction
Tomperature Raage
#ATB00 =66°C W +150°C
BATE0OC 0°G 1o +126°C
#»ATROSC
Electrical Chractoriotics Vi = 10 V. lour = 500 mA, 0°C < T, < 126°C, Cyy = 0.33 oF, Coyr = 0.1 4F,
wnlens otherwise specified.
Characlerielic Condition (Nots) Min [Typ |[Max |Unit
Output Voltage Ty=28°C 49 8.0 5.2 v
Line R ton 1,=28°C IVNSVys26V 3 100 |mv
Y SV =< 12V 1 50 mv
Load R tion 1,= 25% BmA < lgyr < 15 A 15 100 |[mv
250 MA S gyt S 750 mA s 50 |mv
TVSVys20V “
Owtput Vollage EmA <oyt < 10A 4.r8 525 |V
P<18W
Quisacen Current Ty= 25°C 42 |80 |mA
Guieacent Gurent Ch |withsne J1v <vey <28V 13 [ma
o [withToad |6 mA < lgyy = 1.0A 048 |mA
Ovwiput Nolss Vollage Ta=26°C, 10Hz <! < 100 kHe 40 u
Rippla Rejection (= 120H2, BV S Vgy 5 18V a2 78 o8
Dropoul Voltage loyr = 1.OA, Ty= 25°C 2.0 v
Output Raesistancs w1 kHz 1” mi
$hort-Clrouit Curreni Ty= 26°C, Vgyy= 38V 750 mA
Pask Outpw Current Ty=26°C 22 A
Average Tempersiwe Coelficienl ot oyt = S MA, 0°C < T; < 126°C 1.t oG
Owiput Voltage

FIGURE 11.24
Electrical characteristics of the £A7805 voltage regulator. (Copyright, Fairchild
Semiconductor Corporation, 1982. Used by permission.)

(National Semiconductor) are among the most widely known examples. In the
LM317 functional diagram'' of Fig. 11.26a. the diode is a 1.25-V bandgap ref-
erence biased at 50 1 A. The error amplifier provides whatever drive it takes to keep
the voltage at the output pin 1.25 V higher than the voltage at the adjustment pin,
Thus, connecting the device as in Fig. 11.26b gives Vo = Vapj + 1.25 V. By the

Out

Control

7] Common

FIGURE 11.25
Adjustable regulator with remote sensing.
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FIGURE 11.26
Functional diagram and typical connection of the LM3 17 three-terminal adjustable regulator.
(Courtesy of National Semiconductor.)

superposilion principle, Vapy = Vg /(1 + Ri/R2) +(Ry | R2)(50 uA). Eliminating
Vaps gives

Vo = (l+%)l.25V+R2(50uA) (11.23)
|

The purpose of R{ and R3, besides setting the value of Vg, is to provide a conductive
path toward ground for the quiescent current of the error amplifier and the remaining
circuitry in the absence of a load. The data sheets recommend imposing a current of
S mA through R; to meet this requirement. One can then verify that the effect of the
50-uA current becomes negligible, so Vo = (1 + R2/R})1.25 V. By varying Ry,
Vo can be adjusted anywhere between 1.25 V and 35 V.

Lastly, we mention low-dropout (LDQ) regulators, As we know, the dropout volt-
age Vpo is the minimum voltage difference between input and output under which
the circuit is still able to regulate within specification. For instance, Fig. 11.24
shows that at I) =1 A the #A7805 has Vpp =2.5 V maximum, indicating that
V) must never be allowed to drop below Vi(min)=VrRec+ Vpo=75 V. In
automotive applications, V; is obtained from a car battery whose voltage can easily
drop from its nominal rating of 12 V to as litde as 6 V, especially during “cold
crank™ conditions. Moreover, there are applications in which it is desired to oper-
ate a regulator as efficiently as possible. As illustrated in Fig. 11.27, LDO positive
regulators minimize Vpg by using a pnp BJT as the series element and allowing it
to operate all the way to the edge of saturation to achieve Vpg = Vgcear), which
is usually on the order of a few tenths of a volt. To avoid using Ry, which would
increase Vpo, the pnp BIT is equipped with an additional small-area collector t0
provide collector-current sensing information for the overload protection circuitry.

Input © >
Ry

Series

element
Output

Reference

Current
limit

. i

8

Common

FIGURE 11.27
Block-diagram of a low-dropout (LDO) regulator.

LDOs are often used to provide postregulation of the noisier outputs of switching
regulators.

115
LINEAR-REGULATOR APPLICATIONS

The primary application of voltage regulators is in power supplies, especially dis-
tributed supplies, where the unregulated voltage is brought to different subsystems
10 be treated locally by dedicated regulators. Aside from a few simple requirements,
a linear regulator is generally cusy to use. As exemplified in Fig. 11.28, the device
should always be equipped with an input capacitor to reduce the effects of stray
inductance in the input wires, especially if the regulator is located away from the
unregulated source, and an output capacitor to help improve the response to sudden
load-current changes. For best results, use thick wires and traces, keep the leads
short, and mount both capacitors as close as possible to the regulator. Depending
on the case, heat-sinking may be required to keep the internal temperature within
tolerable levels,

T805
Unregulated input 1 n Out 2 Regulated output
(75Vwo35V) l I (5Vv,0101A)
C, Common c
H
0.33 uF 3 0.1 pF

FIGURE 11.28
Typical circuit connection of the ;AT805 voltage regulator. (Copyright,
Fairchild Semiconductor Corporation, 1982. Used by permission.)
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Power Sources

With the help of a few external components, a voltage regulator can, like a voltage
reference, by configured for a variety of voltage source or current source applications,
the main difference lying in the much higher currents available.

A regulator is configured for a higher output voltage by raising its common
terminal to a suitable voltage pedestal. In Fig. 11.29a we have Vg = Vrgg + R x
Vo/(R1 + Ry). or

VO = (l + -ﬁ—?) VREG (1124)
The role of the op amp, which is powered from the regulated output to eliminate any
PSRR and CMRR errors, is to prevent the feedback network from being loaded by
the common terminal. However, if the current of this terminal is sufficiently small,
as in the case of adjustable regulators such as the LM317 and LM337 types, then
we can do without the op amp and the circuit simplifies to the familiar form of
Fig. 11.26b.

Regulator ! Regulator
Vec o In Out 0 Vo Vee Im Ouw
Common Common R KR pon
pot
R p +
' R *T Ve
]

R, +
Ve Wi Elj &’o

(a) )

FIGURE 11,29
Configuring a regulator (a) as a power voltage source, and (b) as an adjustable power current
source.

EXAMPLE 11.12. Assuming a 7805 regulator in Fig. 11.29a, specify suitable compo-
nents for Vo = 15.0 V. What is the permissible range for Vec? Comment on the line
and load regulation.

Solution. Usea 741 op amp with Ry = 10kQ and R, =20 k<. For the exact adjustment
of Vo, interpose a 1-k§2 potentiometer between R, and R,, and connect the noninverting
input to the wiper.

Figure 11,24 gives Vpg = 2V, so the permissible input range is 17 V< Vo <35 V.
The percentage values of the line and load regulation are the same as for the 7805;
however, their mV/V and mV/A values are now | + R;/R; = 3 times as large.

In Fig. 11.29b the op amp bootstraps the regulator’s common terminal with
the voltage V; developed by the output load, and the regulator keeps the

Nl oS

voltage across R at kVrgg, where k represents the fraction of the potentiometer
between the wiper and the regulator’s output, 0 < k < 1. Consequently, the circuit
gives

VREG
lo =k——
0 R

(11.25)
regardless of VL, provided no saturation effects occur. We thus have an adjustable
current source, and its voltage compliance is ¥V < Ve — Vpo — kVReg. I a current
sink is needed, then we can use a negative regulator. To maximize the compliance
for a given Vcc, use a regulator with low Vpg and VReg. An adjustable regulator
of the 317 or 337 type is a good choice.

-

EXAMPLE 11.13. The circuit of Fig. 11.29b uses an LM317 §.25-V regulator, whose
ralings are Vpo = 2 V and line regulation = 0.07%/V maximum. Assuming a 10-kQ
potentiometer, an op amp with CMRRyp > 70 dB, and +15-V supplies, specify R for
an adjustable current from Qto 1 A; next, find the voltage compliance and the minimum
equivalent resistance seen by the load for the case k = 1.

Solution. R=1.25Q,1.25W (use 1.24Q,2W). V, <15-2-1.25=1175V.A -V
change in V;, causes a worst-case change in /o of (1.25 x 0.07/100+ 10-7%2%)/1.25 =
0.953 mA, 50 R,min) = (1 V)/(0.953 mA) = 1.05kS2.

Thermal Considerations

The power dissipated in the base-collector junction of the series-pass BJT is con-
verted into heat, which raises the junction temperature T;. To prevent- permanent
damage to the BJT, T; must be kept within a safe limit. For silicon devices, this
limit'? is in the range of 150 °C to 200 °C. To avoid excessive temperature buildup,
heat must be expelled from the silicon chip to the surrounding package structure
and from there to the ambient. At thermal equilibrium, the temperature rise of
a constant-power dissipating BJT with respect to the ambient can be expressed
as

Ty —Ta=0mPp (11.26)
where T; and T4 are the junction and ambient temperatures, Pp is the dissipated
power, and 84 is the junction-to-ambient thermal resistance, in degrees Celsius
per watt. This resistance, representing the amount of temperature rise per unit of
dissipated power, is given in the data sheets. For instance, for 8;4 = 50 °C/W the chip
temperature rises above the ambient temperature by 50 °C for every watt of dissipated
power. If T4 =25°Cand Pp =2 W, thenT) =Ta +604Pp=254+50x2 =
125 °C. We can also regard 684 as a measure of a device’s ability to expel heat. The
lower 834, the smaller the temperature rise for a given Pp. It is apparent that 674 and
T (max) st an upper limit on Pp for a given T4(max)-

The heat-transfer process can be modeled with an electrical-conduction analog
where power corresponds to current, temperature to voltage, and thermal resistance
to ohmic resistance. This analogy is illustrated in Fig. 1 1.30 for the case of free-air
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Chip (junction)
Ty ke 2 PRCKARE
e— Case
Oca
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(a) b)

FIGURE 11.30 o
(a) Electrical analog of heat flow. (b) Typical package structure operating in

free air.

operation, that is, with no provisions for cooling. The thermal resistance 04 consists
of two components,

014 = 65c +0ca (11.27)

where @) is the thermal resistance from junction to case, and 6c4 that from case
10 ambient. Using Ohm’s law and KVL, we can find the temperature at any point of
the heat-flow path once the other parameters are known. If the path involves more
than one resistance, the net resistance is the sum of the individual resistances.

The component 8¢ is set by device layout and packaging. To help reduce 8)c,
the device is encapsulated in a suitably large case, and the coliector region, where
most of the heat is dissipated, is placed in direct contact with the case. Figure 1 1.31
shows two popular packages, along with their thermal ratings for the case of the
uAT800 and ;1AT900 series. Data sheets usually give only 6;c and 044; then, we
can compute Oca = 04 — Bjc.

TO-3 T0-220
(Metal can) {Moided plastic)

FIGURE 11.31

Two popular power packages. For the pATB00 series, the typ-
ical {maximum) thermal-resistance ratings are: TO-3: 8=
3.5(5.5)°C/W, 854 =40 (45) °C/W; TO-220: 6)c = 3.0(5.0)"C/W,
8,4 = 60 (65) °C/W.

EXAMPLE 1L14. (4) According to Fig. 11.24, T)nas = 150 “C for the £ A7805.
Assuming Tycmaxy = 50 °C, find the maximum power that a TO-220 package operat-
ing in free air can dissipate. What is the corresponding case temperature T¢-? (b) Find
the maximum current that can be drawn from the device if ¥, = 8 V.

Solution,

@) Pomay) = (Tionany — Tagman)/8a = (150 — 50)/6l = 1.67 W. By KVL, T;: =
Ty — @ Pp = 150 — 3 x 1.67 = 145°C.

(b) Ignoring the current at the common terminal, we have Py = (V, — Vg)l,, so
o <1.67/(8 -5)=0556A.

In the case of free-air operation, heat encounters much more resistance in prop-
agating from case to ambient than from junction to case. The user can reduce d¢4
significantly by means of a heatsink. This is a metal structure, usually with fins, that
is bonded, clipped, or clamped to the device package to facilitate heat flow from case
to ambient. The effect of a heatsink is illustrated in Fig. 11.32. While 8;¢' remains
the same, Oy is altered significantly as

8ca =98cs + 654 (11.28)

where dcs is the thermal resistance of the mounting surface and 8s4 is that of the
heatsink. The mounting surface is usually a thin insulating washer of mica or fiber-
glass to provide electrical isolation between the case, which is internally connected
to the collector, and the sink, which is often bonded to the chassis. Usually smeared
with heatsink grease to ensure intimate thermal contact, the mounting surface has a
typical thermal resistance of less than 1 °C/W.

Heatsinks are available in a variety of shapes and sizes, with thermal resistances
ranging from about 30 °C/W for the smaller types to as little as 1 °C/W or less for

/ Junction Fins —» l l

st I ne

. Wi
Do N

FIGURE 11.32
Heat-flow electrical analog of a package mounted on a heatsink.
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the truly massive units. Thermal resistance is specified for the case of a heatsink
mounted with fins vertical and with unobstructed airflow. Forced air cooling reduces
thermal resistance further. In the limiting case of infinite heatsinking and a thermally
perfect mounting surface, 64 weuld approach zero and the device’s ability to expel
heat would be limited only by 8. The package-heatsink combination best suited to
a given application is determined on the basis of the maximum expected power dissi-
pation, the maximum allowable junction temperature, and the maximum anticipated
ambient temperature.

EXAMPLE 1115, A 1t A7805 regulator is to meet the following requirements: Ta(max, =
60°C. Tgimaxy = 0.8 A, Vimaxy = 12 V,and Ty = 125 °C. Select a suitable package-
heatsink combination.

Solution. 8,4y = (125 —-60)/{(12 —5)0.8] = 11.6 °C/W. Use the TO-220 package,
which is cheaper and offers better thermal resistance, Then, 8¢y = 054 —8;c = 11.6-5 =
6.6 "C/W. Allowing (.6 "C/W for the thermal resistance of the mounting surface, we are
left with s, = 6 "C/W. According to the catalogs, a suitable heatsink example is the
IERC HP1 series, whose 85, rating is in the range of 5 °C/W to 6 °C/W.

Power-Supply Supervisory Circuits

The forms of protection discussed in Section 11.4 safeguard the regulator. A well-
designed power-supply system will also include circuitry to safeguard the load
and to monitor satisfactory power-supply performance. The functions typically re-
quired are over-voltage (OV) protection, under-voltage (UV) sensing, and ac line
loss detection, The MC3425 (Motorola) is one of a variety of dedicated circuits
known as power-supply supervisory circuits designed to assist the designer in this
task.

As shown in Fig. 11.33, the circuit consists of a 2.5-V bandgap reference
and (wo comparator channels, one for OV protection and the other for UV de-
tection. The input comparators CMP| and CMP5 have open-collector outputs with
200-u A active pullups. These outputs are externally accessible to allow indepen-
dent adjustment of the response delays of the two channels in order to prevent
false triggering in noisy environments. The delays are established by connecting
two capacitors between these outputs and ground, as shown in the subsequent fig-
ures.

Under normal conditions these outputs are low. Should, however, an OV or UV
condition arise, either CMP; or CMP; will switch its output BIT off to allow the
corresponding delay capacitor to charge by the 200-uA pullup. Once the capaci-
tor voltage reaches Vrgg. the corresponding output comparator fires, signaling that
the emergency condition persisted for the entire delay of that channel. The delay
of cither channel is obtained via Eq. (10.2) as Tpry = CpLy(2.5 V)/(200 nA),
or

ToLy = 12, 500CpLy {11.29)

where Cpyy is in farads and TpLy in seconds. For instance, using Cpry = 0.01 uF
yietds Tpry = 125 us.

S
=13
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Sense CMP,
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3 CMP, 1 Drive
uv
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uv 1
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(2] [5] 7]
ov uv Ground
Delay Delay

FIGURE 11.33
Simplified diagram of the MC3425 power-supply supervisory/over-under-voltage protection
circuit. (Courtesy of Motorola, Inc.)

Whereas the UV comparator CMP,4 has an open-collector output, the OV com-
parator CMP; has an overload-protected output booster to drive an external silicon
controlled rectifier (SCR) crowbar for emergency power shutdown.

OV/UV Sensing and Line-Loss Detection

Figure 11.34 shows a typical 3425 connection for OV protection and UV sensing.
The OV channel trips whenever Ve tries to rise above a level Vgy such that
Vov/(1 + R2/R\) = Vger, or

R
Vov = (I + R—z) VREF (11.30)
|

If the OV condition persists for the entire delay Tgy as set by Coy, the MC3425
fires the SCR, which in turn shorts out the voltage regulator and blows the fuse, thus
protecting the load against prolonged over-voltage and the unregulated input source
against prolonged overload.
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FIGURE 11.34 -

Over-voltage protection and under-voltage sensing using the MC3425.
Likewise, the UV channel trips whenever Ve drops below

Vuv = (l + i“\’ﬁ) VREF (11.31)
R3

Once tripped, CMP; also activates an internal circuit that sinks a current [y =

12.5 pA from the UV sense input pin. This current is designed to load down the

voltage of this pin in order to produce hysteresis and, therefore, reduce chatter. The

hysteresis width is

AVyy = (Ry | R4)(12.5 pA) (11.32)

Thus, once CMP; fires as a result of Vee dropping below Vyy, it remains in that
state until Ve rises above Vyy + A Vyy. Unless this happens within the delay Tyv
as set by Cyv, CMP4 also fires and causes the LED to glow. Once V¢ retums above
Vuv + AVyy, CMP3 retumns to the original state and deactivates /.

EXAMPLE 1116, In Fig. 11.34 specify suitable components for an OV trip level of
6.5 V with a 100-us delay, and a UV trip level of 4.5 V with a 0.25-V hysteresis and a
500- 5 delay.

Solution. The above equations give Cov =8nF, Ry/Ry =16, R4/R3 =08, Ry || Ry =
20k, Cyy = 40 nF. Use Cov = 8.2 nF, Cyv = 43 nF, R, = 10.0k<2, R; = 16.2kQ,
Ry = 453kQ, R, = 36.5%kQ.

In microprocessor-based gystems, ac line loss, whether total (blackout) or partial
(brownout), must be detected 1n time to allow the salvage of vital status information
in nonvolatile memory, as well as disable any devices that might be adversely affected
by underpowered operation, such as motors and pumps. The circuit of Fig. 11.35a
monitors the ac line via a center-tapped transformer (which can be the very trans-
former involved in the generation of the unregulated input to the voltage regulator)
and uses the UV channel to detect line loss. Circuit operation is best understood with
the help of the waveforms of Fig. 11.35b.

The delay capacitor Cyy is chosen to be large enough so that, under normal line
conditions, it does not have enough time between consecutive ac peaks to charge
past 2.5 V. This is also referred to as retriggerable one-shot operation. However,
should the line drop 10 the extent of causing the peaks at the UV sense pin 4 to drop

Unregulated Fuse V..
input Voluage - ( o
LS regulator ; %
1 he 4 K ¥ mcre?
- 3 |
R 4] MC25 g Load

V—N . 2 _—Qﬁ
- .‘ P 217 P l L

(@)

(3]

]
FIGURE 11.3§
Over-voltage protection with ac line-loss detection circuit, and typical waveforms,

below the 2.5-V threshold, Cyy will fully charge and trigger CMPy, thus issuing
a PFAIL command. This can be used to interrupt the microprocessor and initiate
appropriate power-fail routines.

11.6
SWITCHING REGULATORS

As we know, in a linear regulator the series-pass transistor transfers power from V;
to Vo continuously. As depicted in Fig. |1.364, the BIT operates in the forward-
active region, where it acts as a controlled current sousce dissipating the power
P = Veglc + Vgelp. Ignoring the base current and the current drawn by the
control circuitry compared to the load current I3, we can write P = (V) — Vo)l g.
As already seen, it is precisely this dissipation that limits the efficiency of a linear
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FIGURE 11.3¢
Linear regulator and switching regulator.

regulator to
Vo
n(%) = 100 (11.33)

For example, with Vy = 12 Vand Vg =5V, we getonly n = 41.7%.

As we know, proper operation requires that V; > Vo + Vpg, where Vpg is
the dropout voltage. A linear regulator of the low-dropout (LDO) type can be made
to operate efficiently by powering it with a preregulated voltage near Vo + Vpo.
However, in the absence of any preregulation, V; may vary well above Vg + Vpg,
making even an LDO regulator inefficient when V7 is at its maximum.

Switching regulators achieve higher efficiency by operating the transistor as a
periodically commutated switch. In this case the BJT is either in cutoff, dissipating
P = Vegle = (V) — Vo) x 0 = 0, or in saturation, dissipating P = Vgaric,
which is generally small because so is the voltage VsaT across the closed switch.
Thus, a switched BJT dissipates much less power than a forward-active BJT. The
price for switch-mode operation is the need for a coil to provide a high-frequency
transfer of energy packets from Vy to Vg, and a smoothing capacitor to ensure a
low output ripple. However, L. and C manipulate energy without dissipating any
power, at least ideally. Consequently, the combination of switches and low-loss
reactive elements makes switching regulators inherently more efficient than their
linear counterparts.

Switch-mode regulation is effected by adjusting the duty cycle D of the switch,
defined as

0N IoN

= on + tore Te fstoN (11.34)
where ton and 1gpF are the time intervals during which the transistor is on and off;
Ts = ton + forF is the duration of a switch cycle; and fg = 1/ T is the operaling
frequency of the switch. There are two ways of adjusting the duty cycle: (a) in
pulse-width modulation (PWM), fs is kept fixed and foy is adjusted; and (b) in
pulse-frequency modulation (PFM), 1N (or 1opF) is fixed and fs is adjusted. It is
apparent that switching regulators require more complex control circuitry than their
linear counterparts.

Basic Topologies

If we view the switch-coil-diode combination as a T structure, then, depending on
which leg is occupied by the coil, we have the three topologies of Fig. 11.37, called,
for reasons to be justified shortly, the buck, boost, and buck-boost topologies; clearly,
the circuit of Fig. 11.36b is a buck circuil. Though the topologies are shown for
operation with V; > 0, they can readily be configured for V; < 0 by proper reversal
of the switch and diode polarities. Moreover, a wide range of variants'% 13 can be
obtained by suitable modification of the coil and switch structures. To gain more
insight, we focus on the buck topology, though similar analysis can be applied also lo
the other topologies. Assuming V; > Vg, we can describe buck operation as follows.

W L
S el [ R .
e L
Vl D ]i C'_‘[' V_D

-
— L0
~
¢ ] |—
|

(¢}

FIGURE 11.37
Basic switching-regulator topologies: () buck,
(h) boost, and (¢) buck-boost.

During gy the switch closes and connects the coil to V. The diode is off, so
the situation is as in Fig. 11.38a, where Vgar is the voltage drop developed by the
closed switch. During this time, current and magnetic eaergy build up in the coil
according to the familiar laws di, /dt = v /L and wy, = (I/Z)Lii. If Vi and Vg do
not change appreciably during a switch cycle, the coil voltage v, remains relatively
constant atv; = V; — VgaT — V. We can replace differentials with finite differences
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FIGURE 11.38
Equivalent circuits of the buck regulator when SW is (a) closed and (b) open.

and write Aig =v; At/L, so during 1gN the coil current increases by

Vi — Vsar — Vo
T e
Recall from basic physics that current in a coil cannot change instantaneously.
Consequently, when the switch is opened, the coil will develop whatever voltage
it takes to maintain the continuity of its current. As the magnetic field starts to
collapse, diy /dt changes polarity and so does v 1, indicating that the coil will swing
the voliage of its left terminal negatively until the catch diode tums on to provide
a path in which the coil current can continue to flow. The situation is depicted in
Fig. 11.38b,.where Vr is the voltage drop developed by the forward-biased diode.

(11.35)

Aip (1pN) =

The coil voltage is now v; = —VF — Vg, indicating a coil current decrease
. Ve +V,
Aig(ioFF) = ——F—E—Q:OFF (11.36)

Figure 11.39a shows the switch, diode, and coil current waveforms for the case
in which the coil current never drops to zero, a situation referred to as continuous
conduction mode (CCM).

Once the circuit has reached steady-state operation following power turn-on, we
have Aiy (ton) = —Air(topr) = Aip, where Aij is called the coil current ripple.
Using Eqgs. (11.34) through (11.36) gives, for the buck regulator,

Vo = D(V; — Vsar) — (1 - D)VF (11.37)

Turning next to the boost topology of Fig. 11.37b, we note that the coil volt-
age, again assumed positive at the left, is vi = V; — Vgar during toN, and v =
Vi — (Vr + V) during topg. Proceeding as in the buck case, we find, for the boost
regulator, -

|
7=Vt — DVsar) - V¢
Likewise, the coil voltage in Fig. 11.37¢, assumed positive at the top, is vp =
V) — Vsar during fon. and vp = Vp — Vg during topr. Consequently, we have, for
the buck-boost regulator,

Vo = (11.38)

D
Vo =—1—pVi— Vsan) + VF (11.39)

In the ideal limits Vsar — 0 and Vp — 0 the above equations simplify, respec-
tively, to the following lossless characteristics.

1 D
i—p" Ye=-1Tp

Vo =DV, Vo = Vy (11.40)

isw Isw

L}--

0 i 0 1
ip iD

(a) (5

FIGURE 11.39
Current waveforms for the three basic topologies: (a) continu-
ous conduction mode (CCM), and (b) discontinuous conduction
mode (DCM).

Given that 0 < D < 1, the buck regulator yields Vp < V; and the boost regulator
Vo > Vj, these being the reasons for their names. By analogy with transformers,
the buck and boost circuits are also referred to as step-down and step-up regulators. In
the buck-boost circuit the output magnitude can be smaller or greater than the input
fnagnitudc, depending on whether D < 0.5 or D > (.5; moreover, the output polarity
is opposite to that of the input, so this regulator is also called an inverting regulator.
Note that boost and polarity inversion are not possible with linear regulators!

In the ideal limit of lossiess components and zero power dissipation by the
control circuitry, a switching regulator would be 100% efficient, giving Po = Pj,
or Vglg = Vi I1. Wriling

I =(Vo/VDio

provides an estimate for the current drawn from the input source.

(11.41)

EXAMPLE 11.37.  Given a buck regulator with V; = 12 Vand Vy = 5 V, find D if
(a) the switch and diode are ideal, and (b) Vsar = 0.5V and V; = 0.7 V. (c) Repeat (a)
and (b)if8V<V, <16V

Solution.

(a) By Eq.(11.40), D = 5/12 = 41.7%.

(b) By Eq.(11.37), D = 46.7%.

(¢) The same equations give, for the two cases, 31.2% < D <62.5%, and 35.2% <
D <69.5%. -

539
SECTION 11.6
Switching
Regulators



540

CHAPTER ||
Voltage
References and
Regulators

Coil Selection

Two observations should provide better insight into the role of L: (@) The coil must
carry some average current I;, £ 0 in order to feed the load; in fact, with reference
to the continuous mode shown in Fig. 11.39, one can prove (see Problem 11.31) that
the buck, boost, and buck-boost circuits are characterized, respectively, by

v, v,
L=Ilp I=-2lp lL=(l——0)Io (11.42)
Vi Vi

(b) In steady state the average coil voltage V; must be zero.

Should a line or load fluctuation intervene, the controller adjusts the duty cycle
D to regulate Vj; in accordance with Eq. (11.40), and the coil adjusts /;, to meet
the load-current demands in accordance with Eq. (11.42). By the inductance law
ig = (1/L) [ v dt, the coil adjusts its average current 7, by integrating the volt-
age imbalance brought about by the fluctuation; this adjustment continues until the
average coil voltage V is driven back to zero.

We can picture the effect of a rise or drop in I as an up or down shift of the i,
waveform of Fig. 11.39a. If 1 drops to the point of making Ij, = Aiy /2, the bottom
of the i, waveform reaches zero. Any further decrease of I below this critical value
will cause the bottom of the i; waveform to become clipped, as in Fig. 11.395, a
situation referred to as discontinuous conduction mode (DCM). We observe that in
CCM Vg depends only on I} and Vy, regardless of /. By contrast, in DCM Vo
depends also on /g, so D will have to be reduced accordingly by the controller;
failing to do so would cause, in the limit of an open-circuited output, Vo — V; for
the buck, Vg — oo for the boost, and Vg — —00 for the buck-boost regulators.

To estimate a suitable value of L, it is convenient to assume Vsar = Vg = 0.
Then, for a buck regulator in steady state, Egs. (11.35) and (11.36) give 1oN =
LAip/(V; — Vo)and topr = LAiL/Vo. Letting ton + toFr = 1/fs gives, for the
buck regulator,

Vo(l - Vo/V)
Lo — 2 (11.43)
fship
Proceeding in similar manner, we find, for the boost regulator,
Vil - Vy/Vo)
L=———"" (11.44)
fsair
and for the buck-boost regulator,
L= Vi - vifvo) (11.45)

fsAip

The choice of L. is usually a tradeoff between maximum output power with mini-
mum output ripple, and small physical size with fast transient response.'3 Moreover,
increasing L for a given Ig will cause the system to go from DCM to CCM. A good
starting point is to choose the current ripple Ay, and then use the proper equation
to estimate L.

There are various criteria for specifying Aiy . One possibi]ily” istolet Aig =
0.27 (max). Where 1 (may) is dictated either by the maximum output current rating
of the regulator, as per Eq. (11.42), or by the maximum peak-current rating of the
switch, as per I, = Iz + Aig /2. The switch rating becomes important especially

in step-up sitnations, where I, may be considerably larger than Io. Alternatively,
to avoid discontinuous operation, we can let Aif, = 21 (min)» Where [ (i) is the
minimum anticipated load current. Other criteria'3 14 are possible, depending on the
type of regulation as well as the goals of the given application.

Once the value of L has been chosen, a coil must be found that can handle both
the peak and rms values of {; . The peak value is limited by core saturation, for if the
coil were to saturate, its inductance would drop abruptly, causing an inordinate rise
in iz, during toN. The rms value is limited by losses in the windings and the core.
Though the coil has traditionally been perceived as a very intimidating issue, modem
switching-regulator data sheets provide a weaith of useful information to ease coil
selection, including coil manufacturers’ addresses al.l'd specific part numbers.

EXAMPLE 11.18. Specify a coil for a boost regulator with V; =5V, V=12V,
Io=1A, and fs =100 kHz. What is the minimum load current lo(mis for continu-
ous operation?

Solution. At full load, I; = (12/5)1 = 2.4 A. Let Ai;, = 0.21; = 0.48 A. Then,
Eq. (11.44) gives L = 61 uH. At full load the coil must withstand I, = Iy + Aiy /2 =
2,64 A, and frme = 17 + (AiL[V12P12 = 1y, = 2.4 A, Moreover, Iggmm = 0.1 A,

Capacitor Selection

To estimate a suitable value of C in the buck topology of Fig. 11.374, we observe
that the coil current splits between the capacitor and the load as iy, = ic +ig. In
steady state the average capacitance current is zero and the load current is relatively
constant. We can therefore write Aic = Ai, indicating that the ic waveform is
similar to the i; waveform, except that i¢ is centered about zero. The i¢ ripple causes
a voltage ripple Ave = (1/C) [ ic di, where integration is from ron/2 (where v
reaches its minimum) to fogr/2 (where ve reaches its maximum). We easily find
the area as [ic df = 1/2 x (ton/2 + toFr/2) x Aip/2 = Air /8 fs. This gives,
for the buck regulator,

_ A

" 8fsavc
~ In the boost topology of Fig. 11.37b the coil is disconnected from the output
during fon, so the load current during this time is supplied by the capacitor. Using
Eq. (10.2), we estimate the ripple as Avc = Igton/C. But, fon = D/fs and
D =1 — V;/ Vg, so we have, for the boost regulator,

C= Ip(1 =V /Vg)

(11.46)

(11.47)
fsAvc
Similar considerations hold for the buck-boost topology, so
C=’o(l~V1/Vo) (11.48)

fsave
The above equations give C for a specific ripple Av¢. Practical capacitors exhibit
a small equivalent series resistance (ESR) and a small equivalent series inductance
(ESL), as modeled in Fig. 11.40. The ESR contributes an output ripple term of the
type Avgsg = ESR x Aic, where Aic is the capacitor ripple current, indicating
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ESR  ESL (&
o—W—"F o
FIGURE I11.40
A practical capacitor has
an equivalent series resis-
tance ESR and inductance
ESL.

the need for low-ESR capacitors. The ripple Ave across C in Fig. 11.40 and the
ripple Avgsg across ESR combine to give an overall ripple ¥y, at the output. For an
estimation of the maximum allowed ESR, a reasonable approach'? is 1o allow % of
Vo to come from Ave, and % of Vy from Avpsg.

EXAMPLE 1.19. In the Msx regulator of Example 11.18, specify a capacitor for an
output ripple V,,, = 100 mV.

Solution. At full load and with Ave = (1/3)V,, = 33 mV, Eq. (11.47) gives C =
177 uF. For the boost regulator we have Aic = Aip = I, so at fullload Aic = 2.64 A.
Then, ESR = (67 mV)/(2.64 A) =25 mQ.

FIGURE 11.41
Typical waveforms for the (a) buck, (#) boost, and (c) buck-boost regulators. {Courtesy of
Linear Technology.)

The C and ESR requirements may be difficult to meet simultaneously, so we can
either increase the size of the capacitor, since larger capacitors tend o have smaller
ESRs, or we can filter out the existing ripple with an additional LC stage at the
output.

A well-constructed switching regulator will include an L C Riter also at the input,
both to ease the output-impedance requirements of the source V} and to prevent the
injection of electromagnetic interfercnce (EMI) upstream of the regulator. This is
illustrated'® in Fig. 11.41 for the three basic topologies operating in CCM (the
waveforms pointing to arrows are element currents, the others are node voltages).
We observe that the most taxing situation for a capacitor is when it is in series with
either the switch or the diode. When it is in series with the coil, as atthe input of the
boost or at the output of the buck topology, the filtering action provided by the coil
itself results in a smoother waveform. It follows that the buck regulator enjoys the
lowest output ripple of the three topologies.

Efficiency

The efficiency of a switching regulator is found as

(%) Po (11.49)
n = o .
Po + Pyiss
where Pg = Vgl is the power delivered to the load, and
Paiss = Psw + Pp + Peoit + Pcup + Peontroller (11.50)

is the sum of the losses in the switch, the diode, the coil, the capacitor, and the switch
controiler.

Switch loss is the sum of a conduation component and a switching compo-
nent, or Psw = Vsarlsw + fsWsw. The conduction component is due to the
nonzero voltage drop Vsat; for the case of a saturating BJT switch this component
is found as Vcggsay! SWiavg). and for the case of a FET switch as rDs(“n)I%w rrs)-
The switching component is due to the nonzero rise and fall times of the voltuge
and current waveforms of the switch; the resulting waveform overlap causes the per-
cycle dissipation of an energy packe(M Wsw = 2AvgwAiswitsw, where Avgw
and Ai gy are the switch voltage and current changes, and rgy is the effective overlap
time.

Diode dissipation is likewise'* Pp = Vilpuyg + fsWn, Wp = Veipmg,
where Vg is the diode reverse voltage, !¢ the forward current at turn-off, and rgp the
reverse recovery time. Schottky diodes are good choices because of their inherently
lower voltage drop Vr and the absence of charge-storage effects.

Capacitor loss is Pyyp = ESRI%(mm. Coil loss consists of two terms, namely,
the copper loss Ru,ﬂlz“m) in the coil resistance, and core losses, which depend
on the coil current as well as fs. Finally, the controller contributes V; I3 where Iy
is the average current it draws from V;, exclusive of the switch.
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EXAMPLE 1120. Abuckregulatorwith vV, = 15V, Vg =5V, Ip =3 A, f5 = 50kHz,
and 7y = 10 mA, uses a switch with V5ar = 1 V and 154 = 100 ns, a diode with
Ve = 0.7V and 1gg = 100 ns, a coil with Ry = 50 mQ and Aiyp = 06 A, and a
capacitor with ESR = 10X} mQ. Assuming core losses of 0.25 W, find n and compare
with a linear regulator.

Solution. Eq. (11.37) gives D = 38.8%. Then, Psw = Vsar Do + 2fsVilotsw =
116 +0.45 = 1.61 W P, = V(1 — D)o + fsVidotrg = 1294022 = 151 W;
Poap = ESR(Ai1 /V12)? = 3 MW Pat = Reit X (Aig /T2 + 025 W = 0.25 W:
Peontratier = 15 x 10=0USW; Py =5 x 3= 15 W, Pyise =352 W; 17 = 81%.

A linear regulator would have 5 = 5/15 = 33%, indicating that to deliver 15 W
of useful power it would dissipate 30 W, while the switching regulator of our example
dissipates only 3.52 W.

11.7
MONOLITHIC SWITCHING REGULATORS

Monolithic switching regulators are available in a wide range of performance speci-
fications. For switch currents of up to a few amperes, the switch is usually provided
on-chip, along with the control circuitry. All the user needs to provide, then, is the
coil, the output filter capacitor, the input bypass capacitor, and the catch diode, usu-
ally a Schottky type. When higher currents are called for, the switch is provided
externally by the user, and it may be either a power BJT or a power MOSFET. FETs
are generally preferable because the absence of second-breakdown limitations and
charge-storage effects allows for higher switching frequencies, and hence, smaller
energy-storage elements, particularly smatler coils. To minimize power loss, use a
FET with a suitably tow rpgion)-

Component layout and orientation are extremely critical in switching regulators,
so manufacturers provide printed-circuit-board layouts and component-stuffing di-
agrams. Moreover, to foster switching regulator applications, computer Erograms
are available, such as the SwitcherCAD program by Linear Technology'> and the
Switchers Made Simple program by National Semiconductor. !¢

Though the market offers both pulse-width modulation (PWM) and pulse-
frequency modulation (PFM) controllers, the majority of regulators at present are
PWM controllers operating at a fixed frequency fs in the range of 10% to 105 Hz.
This frequency is chosen as a compromise between small coil/capacitor size on
the one hand, and low switching losses and reduced EMI and RFI on the other.
There are two types of PWM control, namely, voltage-mode and current-mode
control.

Voltage-Mode Control

Voltage-mode control,'” exemplified in Fig. 11.42 for the buck topology operating
in the continuous conduction mode (CCM), controls 1oy by modulating a sawtooth
waveform v of frequency f with the error-amplifier output v To gain a better feel
for the various issues involved. refer to the simplified equivalent of Fig. 11.43. If the
switching frequency fy is high enough that PWM can be regarded as a continuous

(@) (6]

FIGURE 11.42
Voitage-mode control, and typica! waveforms.

process over the frequency range of interest, the control-to-output transfer function
is (see Problem 11.36)

VoV, 1+ jojo;
Hoo= 2= 1151
0= = Vo T/ + o@D
1 1 1
- S - 11.52
W= 7% ““mre 2% Rasesmger M2

where Vpy is the peak value of the sawtooth. We observe that the presence of L and
C within the loop results in a complex pole pair, and the presence of ESR resulis in
a zero,

The function of the error amplifier is to ensure high-loop gain for good regulation,
and adequate phase margin for stability. The error amplifier cxemplified in Fig. 11.44
has a pole frequency at the origin to ensure high dc gain, two zero frequencies at
w1 and o, to provide phase Jead in the vicinity of the crossover frequency, and two

Reoil L

+
Vegpd = l

FIGURE 11.43
Equivalent circuit of a buck regulator operating in
CCM with voltage-mode control.
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|Hga| (0B)

FIGURE 11.44 -
Error amplifier for the buck regulator of Fig. 11.43.

pole frequencies at w3 and wy to filter out switching noise, Its ac transfer functiom
is (see Problem 11.37)
Yo _ __ O+ jwfe)( + jo/w)
Vo (jow/ws)(1 + jwfen)(l + jo/ws)
The circuit is implemented with C; 3 C; and R3 « Rj, in which case its charac-
teristic frequencies simplify as
1 1 1 1
w) = = = wq = w5 =

! RaCy “2 R2C3 @3 R1Cs 4 R4C) 3 R

The overall loop gain is T = — Hga Hco. For a fast response, the crossover
frequency fr should be specified as high as possible, a common choice being"3
Sfx = fs/5. As we know, the output-shunt feedback action of the regulator will result

in a low output impedance only over the frequency range of substantial loop gain.
Past f, the output impedance reduces to that of the capacitor in parallel with the coil.

(11.53)

Hga =

(11.54)

EXAMPLE 1121, Specify suitable components in the emror amplifier of Fig. 11.44
for a CCM buck regulator with V; =12 V, f5=100 kHz, V,, =1V, L =100 pH,
C = 300 uF, ESR = 0.05 Q, and R; « ESR.

Solution. We readily find that Hcg has a dc gain of 12 VIV, fo = 920 Hz, f, =
10.6 kHz, and Q = 11.5. Moreover, ket f, = 100/5 = 20 kHz.

A common design strategy'? is to make the loop gain 7 roll off with an average
slope of —20 dB/dec up io f,. This requires imposing that the zeros of the error amplifier
satisfy fi = f> = fo, and the first pole satisfy f = f,; moreover, to maintain a good
phase margin, we position the second pole at fy = 2f;.

To fully specify Hga we need one additional parameter, namely, the unity-gain fre-
quency fs associated with the pole at the origin. Calculating | Hoo(jf ) = 1/18.5 VIV
indicates that we need | Hga (f )] = 18.5 V/V in order to make |T| = 1 V/V at the spec-
ified crossover frequency. Applying Eq. (8.10) wwice, we find f5 = 1.47 kHz. Then, using
Eq. (11.54) and arbitrarily imposing R = 10k, we find R; = 867 2, R, = 16.0kS,
Cy =240 pF, C; = 10.8 oF, and C; = 17.3 nF, ali of which can readily be changed to
the nearest standard values. Moreover, R, = Ry/(Vo/ Vaer — 1).

The results of a PSpice simulation, shown in Fig. 11.45, reveal the actual valves
f. £18kHz and ¢, = 60 °.

(1) nsQUER) |

FIGURE 11.4§
PSpice frequency plots for the buck regulator of Example

11.21

We observe that while fy is known within the tolerances of L and C, f; is less
predictable because ESR varies with capacitor technology, temperature, and aging.
Moreover, Eq. (11.51) reveals that gain dépends on V/;, indicating that an increase
in V; will increase f;, possibly upsetting ¢n. An obvious remedy is to make Vi,
proportional to ¥ to ensure a constant ratio between the two. In general, it can be
said that the roots of Hco tend to be affected both by the input and by the load, and
that they change dramatically as the operating mode changes from CCM to DCM. 12
Clearly, the subject of stability in switching regulators can be a complex one, often
requiring cut-and-try techniques for an optimal solution. 13

Current-Mode Control

Current-mode control,'? exemplified in Fig. 11.46 for a boost regulator operating
in CCM, uses the oscillator only to turn on the switch. A small series resistance R
senses the coil current, and the switch is turned off when this current reaches a peak
controlled by the error-amplifier output vc. (Peak current control would be a more
accurate designation.) In spite of its name, this scheme uses current as well as voltage
information, as confirmed by the existence of an inner feedback loop due to current
sampling by R;, and an outer feedback loop due to voltage sampling by R and R;.
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(a) ()

FIGURE 11.4¢ '
Current-mode control, and typical waveforms.

Compared to voltage-mode control, which emphasizes control of the coil voltage
and thus results in a current response lagging by 90° current-mode control acts on
the coif current directly, effectively eliminating the pole due to the coil. The advan-
tages of current-mode control are thus a faster response to line and load variations,
along with simplified frequency-compensation requirements (see Problem 11.38);
furthermore, overload current protection is inherently provided on a pulse-by-pulse
basis.

The LT1070 Monolithic Switching Regulator

Figure 11.47 shows the block diagram of a well-documented'> monolithic regulator,
the LT 1070 (Linear Technology). The circuit operates at fg =40kHz (fs = 100kHz
in the LT1170 version) and uses current-mode control. The switch is an npn BIT
with suitable antisaturation circuitry to minimize charge-storage effects and thus
reduce switching losses. The switch current is sensed by a 20-mQ series resistance.
The error amplifier is a transconductance amplifier (voltage in, current out) with
typical transconductance gain g, = 4.4 mA/V. Its voltage gain is set by an exter-
nal frequency-compensation network Z. as Hga = gmZ.. All internal circuitry is
powered from an on-chip 2.3-V LDO regulator, which allows the LT1070 to operate
overtherange3 V<V, <60 V.

Besides including the various protections discussed in Section 11.4, switching
regulators are equipped with provisions to avoid excessive current surges at power
turn-on. Referred to as soft start, this provision is implemented by limiting the duty
cycle D as the regulator builds up its output from zero. In the LT 1070, soft start is
provided by the capacitor of the external frequency-compensation network.

Swiich 549
v 18V out —_—
i ! SECTION 11.7
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v 2015V
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FIGURE 11.47
The LT1070 switching regulator. (Courtesy of Linear Tech-
nology.) .

Figure 11.48 shows a typical LT1070 application. The output voliage is pro-
grammed via Ry and R; as

R
Vo = (1 + El) VREF (11.55)
1

where Vg = 1.24 V is an internally generated bandgap reference voltage. The

X L D Y vy(2v.iA)
SV O——t /H I —
C.J. 150 uH
IOOuFI Yi Vsw
B LTI070

V. OND Fg
R]% 1k 1

C;IIpF :l,

FIGURE 11.48
The LT 1070 as a boost regulator. {Courtesy of Linear Technology.)



550
CHAPTER 11
Voltage
References and
Regulators

+12V
-2V
3Vlu2{]VO—I—- S +5V
C, 11%
:—.[ ;lt"‘bq
| D, Dy
Y] Vsw
LTI070 3.74 k0
V. GND FB
RS 1k J. 124%Q

Cs== 033 pF

W

FIGURE 11.49
Triple-output flyback regulator using the LT1070. (Courtesy of
Linear Technology.)

RC network associated with the node labeled V¢ is the frequency-compensation
network recommended in the data sheets. The diode is a Schottky type, such as the
IN5822 (Motorola).

The output ripple can be reduced further by breaking the circoit at point ¥ and
inserting an LC filter consisting of a series 10-uH inductor and a shunt
100-uF capacitor. Unlike the other topologies, the boost regulator is not short-circuit
protected because of the diode connecting the input to the output; this also causes
inrush current at power turn-on. A simple protection can be provided by breaking
the wire at point X and inserting a fuse.

Figure 11.49 shows a widely used method of creating multiple outputs using
just one switching regulator. The circuit is based on a popular variant of the buck-
boost topology known as the fyback topology because it uses coupled inductors to
transfer energy from input to output. As illustrated in detail in Fig. 11.50 for the case
of just two coupled coils operating in CCM, when the switch closes, energy builds
up in the core due 1o the increasing current in its primary winding; the polarity of
the secondary winding is chosen so that the diode is reverse biased during this time.
When the switch opens, the voltage across each winding reverses, as in the single-
coil case; this forward biases the diode, causing the stored energy to be transferred
to the output via the secondary winding.

In practical coupled coils not all stored energy is coupled 10 the secondary
winding(s); the fraction left in the primary winding leakage inductance L L causes

D5

# primary turme

FIGURE 11.50
Typical waveforms for a flyback regulator. (Courtesy of Linear Tech-
nology.)

a positive voltage spike across the switch as the latter is opened. To prevent damage
to the base-collector junction of the BIT, a voltage clamp is used, consisting of a
Zener diode and a rectifier diode, as shown. This clamp provides a current path
for the leakage inductance spike, and once the corresponding energy has been fully
dissipated in the clamp, the switch voltage settles to its normal flyback value, which
is Vsw = V; + Vo /N, N being the tums ratio,

Energy transfer can be optimized by suitable choice of the turn ratios of the
coils. Moreover, the coupled-coil structure allows for multiple as well as isolated
outputs, if desired. In the example of Fig. 11.49, regulation is provided onty for the
5-V output, and isolation only for the £12-V outputs. The +12-V outputs are scaled
to the 5-V output by suitable choice of the wmns ratios, and the extent to which
they will track the regulated output, also referred to as cross regulation, depends on
how tight the magnetic coupling of the windings is. If needed, they can be regulated
further with the help of individual LDO regulators. Moreover, if isolation is required
also for the 5-V output, the feedback signal can be obtained via suitable optocoupler
circuitry.!

Using the aforementioned SwitcherCAD program, one can find the coil values
required for a given set of specifications, such as V), = 5 Vat 3 A, and Y023 =
+12Vat05AwithV; =12V

PROBLEMS
11.1 Performance specifications

11.1 Ap unregulated voltage V; = (26 +£2) V is applied to a shunt regulator consist-
ing of a series 200-$2 resistor and an 18-V, 20-Q shunt diode. The output of this
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11.2

regulator is then fed to a second regulator consisting of a 300-2 series resistor and
a 12-V, 10-Q shunt diode 10 achieve an even better regulated voltage Vo for a load
R,.. Sketch the circuit; then, find its line and load regulation and the minimum R,
allowed.

Using 2 6.2-V Zener diode and a 741 op amp, design a negative self-biased reference
that accepts an unregulated negalive voltage V, and gives a regulated output Vo
adjustable from — 10V to —15 V by means of a 10-k2 pot. What are the permissible
ranges for V; and 157

11.2 Voltage references

11.3

1.4

11.5

11.6

At iz = 7.5 mA the IN827 thermally compensated Zener diode gives Vz = 6.2V +
5% and TC(Vz) = 10 ppm/"C. (a) Using this diode, along with an op amp having
TC(Vos) = 5 uV/°C, design a 10.0-V self-regulated reference with provision for the
exact adjustment of V. (b) Estimate the worst-case change in V; for a temperature
variation of 0 "C to 70 °C.

Consider the circuit obtained from the self-regulated reference of Fig. 11.4 by lifting
the left terminals of Ry and D off ground, connecting them together, and then relurning
the resulting common node 1o ground Yia a variable resistance R. (#) Show that this
modification allows us to vary Vg without altering the diode current. () Obtain a
relationship between Vy and V;. (¢) Specify standard components for a variable
reference from 10V to 20 V using the IN827 diode of Problem 113 as the reference
element.

(a) Assuming matched BJTs in the aliernative bandgap cell? of Fig. P11.5, show
that VRF,F = Varr + KVr. K = (R;/R])lﬂ(Rz/Rﬂ. k) Assuming I, (25 C) =
5 x 107'* A for both BJTs, specify suitable components for TC(Vger) = 0 at 25 °C.

—O VREF

[0 4

FIGURE P11.5

The alternative bandgap reference? of Fig. P11.6 is known as the Widlar bandgap cell
for its inventor. (a) Assuming matched BJTs with negligible base currents, show that
Vrer = Veia + KVy. K = (Ry/R3) In(ic) / 1¢2). (b) Specify suitable components for
TC(Vrer) = 0a125 "Cif 1, (25°C) = 2x 107" Aforalt BITs, Icy = Icy = 0.2mA,
and I(*z = .’(|/s

FIGURE PI1.¢

11.3 Voltage-reference applications

1.7

1.8

119

11.1¢

1.1

Using the REF101 10-V reference of Fig. 11.6a and an external op amp, but no
additional components, design a circuit that gives (a) +10 V and —10 V, and is
powered from X 15-V supplies; (b) +10 V and +5 V, and is powered from a single
15-V supply; () +5 V and —5 V, and is powered from +9-V supplies; (@) + 10 V and
+20 V, and is powered from a single 24-V supply.

The LT1029 is a 5-V reference diode that operates with any current between 0.6 mA
and 10 mA, and has a maximum TC of 20 ppm/°C, Using the LT 1029 and a JFET-input
op amp with TC(Vps) = 6 uV/"C, design £2.5-V split references and estimate their
worst-case thermal drifts. Assume £5-V power supplies.

{a) Using the REF101 10-V reference of Fig. 11.6a and an external JFET-input op
amp, but no additional components, design a |-mA current source. (b) Assuming £15-
V supplies and TC(Vps) = | £V /°C, use the data of Fig. 11.7 to estimate the voltage
compliance and the worst-case TC of your source_{c) Find the range of variability of
the source if the optional voltage trim connection of Fig. 11.6a is used.

Assuming £15-V supplies and using an LM385 2.5-V diode with a bias current of
100 ptA as a voltage reference, design a current generator whose output is variable
over the range — 1 mA < /g < | mA by means of a 10-k$2 pot.

The LM 10 (National Semiconductor) consists of two op amps and a 200-mV reference
internally connected as in Fig. P11.11. The op amps have rail-to-rail output swing
capability, and the device draws a maximum quiescent current of 0.5 mA from a supply
voltage anywhere between 1.1 V and 40 V. The LM10C version has TC(Vger)
0.003 %/°C, TC(Vys) = 5 pV/°C, line regulation = 0.0001 %/V, and CMRRgp

e
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PSRRgz = 90 dB. (a) Using the LMIOC, design a vollage reference continuously
variable from 0 to 10 V by means of a 10-kS2 pot. (b) Find the worst-case therma) drift
and line regulation of your circuit.

o p
B VREF 4 |

FIGURE P11.11

11.12 Figure P11.12 shows a current generator using the LM 10 of Problem 11.11. (a) An-

alyze the circuit and show that as long as the externally applied voltage between
its terminals is sufficient o keep the op amps in the linear region, the current that
the circuit sinks at the positive terminal and sources at the negative terminal is
lo = (1 + Ry / Ry) Vegr:/ Ry. (b) Specify suitable components for /p =5 mA. (¢} What
is the range of external voltages over which your circuit will operate properly?

2 6

R sI || 4
R, n,?
at]

FIGURE P1L.12

11.13 Design a circuit that senses the temperatures 7 and T, at two different sites, and yields
Vo = (0.1 V)(T; ~ T}), T, and T; in degrees Celsius. The circuit uses two maltched
diodes with [, (25 °C) =»2 fA as temperature sensors, and two potentiometers for its
calibratien. Describe the calibration procedure.

11.14 Specify suitable components in the circuit of Fig. 11.17 for a Fahrenheit sensor with
a sensitivity of 10 mV/°F. Outline its calibration.

11.4 Linear regulators

11.18 Obtain expressions for Rg, and R3/ Ry in terms of Ry, I, and I, in the current
fold-back scheme of Fig. 11.21b, assuming 73 is negligible.

11.16 Using a 741 op amp, an LM385 2.5-V reference diode, and pnp BJTs, design a0
overload-protected negative regulator with Vo = —12 V and lo(peg = 100 mA.

v

11.17 Using the LM10 of Problem 11.11 and two npn BITs, design a 100-mA overload-
protected voltage regulator whose output can be varied from 0 10 15 V by means of
a 10-kQ2 pot. Show how you power your circuit, and estimate the lowest permissible
supply voltage.

11.18 Figure P11.18 shows a high-voltage regulator based on the LM10 of Problem 11.11.
Since the LM10 is powered by three Vi drops, the high-voltage capabilities of the
circuit are limited only by the external components. (¢) Analyze the circuit and find
Vo in terms of Vrgs. (b) Specify R, and R; for Vi, = 100 V. (¢) Assuming typical
BIT parametrs, estimate Vi fui 1 = 1 A

Vio -
RS
39k

R, 3 2 4

Ry

FIGURE P11.18

11.5 Linear-regulator applications

11.19 The LM338 is a 1.2-V, 5-A, adjustable regulator having Vpo = 2.5 V, a maximum
input-output differential voltage of 3§ V, and an adjustment-pin current of 45 uA.
Using the LM338, design a 5-A regulator whose output can be varied from0 Vo3V
via a 10-k2 pot. What are the power-supply requirements of your circuit?

1120 Using the LT1029 reference diode of Problem 1 1.8 and the LM 338 voliage regulator of
Problem 11.19, design a minimum-component circuit for the simultaneous generation
of a 5-V reference voltage and a 13-V, 5-A supply voltage. What is the permissible
unregulated input voltage range of your circuit?

11.21 Using a 4 A7805 5-V regulator and 0.25-W (or less) resistances, design a 1-A current
source. What is its voltage compliance as a function of the supply voltage?

11,22 In Fig. 11.29a let the common terminal of the regulator be connected directly to the
node shared by R, and R to save the op amp. Assuming a pA7805 5-V regula-
tor, whose specifications are given in Fig. 11.24, find suilable resistances for Vy =
12 V; then find the permissible range for Vi, as well as the load and line regula-
tion.

11.23 In the circuit of Fig. 11.26b let V; =25 V and R, =25 Q, and let R; be an
arbitrary load. Find the Norton equivalent of the circuit seen by the load, along with
its voltage compliance, given the following LM317 specifications: Vpo = 2 V, line
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11.24

11.25

11.26

11.27

11.28

11.29

regulation = 0.07%/V maximum, and Afaxp; = 5 A maximum for 2.5 V <(V, —
Vo) <40 V.

The LT337 is a —1.25-V, 1.5-A, adjustable negative regulator with AVreg/A(V, —
V) = 0.03%/V maximum, and A fap /A(V) — Vo) = 0.135 p A7V maximum. Using
this device. design a S00-mA current sink; next, tind its Norton equivalent.

Using an LM317 1.25-V, adjustable positive regulator, and an LM337 —1.25-V, ad-
justable negative regulator. design a dual-tracking bench power supply whose outputs
are adjustable from £1.25 V (o +20 V by means of a single 10-kQ pot. See Prob-
lems 11.23 and }1.24 for the specifications of these regulators.

(a) Find the maximum allowable operating ambient temperature if Tjmay = 190
"C. Poumay = | W, and 8, = 60 "C/W. (k) Find 6, for a 5-V regulator with
Trey = 150 °C 1o deliver | A at V, = 10V and T, = 50 °C. Can a uA7805
operating in free air do it?

In the circuit of Fig. 11.29h the pot is replaced by the series combination of a
2-k§2 resistance between the inverting input and the regulator’s output, and an
I8-kQ resistance between the inverting input and the regulator's common. Assum-
ing £18-V supplies, R = 1.00 £2, and a 4 A7805 regulator in the TO-220 package,
specify a heatsink for operation all the way down to a load voltage of 0 V with
Tatmany = 60 °C.

Using the LM 10 of Problem 11.11 and a 1.5-V, 2-mA LED, design an indicator circuit
thal monitors its own power supply and turns the LED off whenever the supply drops
below 4.75 V.

Specify components in the circuit of Fig. 11.354 to provide OV protection when Ve
tries 1o rise above 6.5 V, and issue a PFAIL command when the 120-V (rms), 60-Hz
ac line tries to drop below 80% of its nominal value.

11.6 Switching regulators

11.30

11.32

11.33

The switched coil of Fig. 11.37¢ bears some similarity to the switched capacitor of
Fig. 4.234. (a) Assuming Vsar = V¢ = (), compare the two arrangements and point
out similarities as well as fundamental differences. (b) Assuming the coil current wave-
form of Fig. 11.39, show that the power transferred by the coil from V, to Vg is P =
s Weyeic, where Weyoe = LI Aiy is the energy packet transferred during each cycle.

(er) Derive Eq. (11.42). Then, assuming fp = | A and Ai; = 0.2 A, estimate /), as
well as the minimum value of 1, for continuous operation for the case of (b) a buck
regulator with ¥; = 12 V and V,; = 5 V. (¢) a boost regulator with V; = 5 V and
Vo = 12 V. and () an inverting regulatos with V; =5 Vand Vo = —I5 V.

An inverting regulator with 5V < V; < 10V isto deliver Vo = —12 V at a full load
of I A. Assuming continuous operation with Vsar = Ve = 0.5V, find the required
range for 1, as well as the maximum value of /.

A buck-boost regulator is powered from +15 V and operates at 150 kHz. Specify L.
C. and ESR for V, = — 1S V, V,imany = 150 mV, and continuous-mode operation
overtherange 0.2 A < I, < 1 A,

11.34 A buck regulator has V; = 20V, Vo = 5V, f5 = 100 kHz, L = 50 uH, and

C = 500 pF. Assuming Vsar = Vg = O and ESR = 0 skeich and label isy, ip, ir,
ic, and the voltage vy at the left terminal of L for the case of (@) continuous-mode
operation with /o = 3 A, and (b) discontinuous-mode operation with fgy = 2 us.

11.35 Discuss how 7 in the regulater of Example 11.20 is affected by (@) doubling V,, and

(b) doubling fs.

11.7 Monolithic switching regulators

11.36 Find the control-to-output transfer function of the circuit of Fig. 11.43; next. verify

that if Reoit and ESR are much smaller than the load R, and the gain-setting network
R\ and Ry, then Eqgs. (11.51) and (11.52) result. Hint: Considering that v, /v, = D
and D = v¢/V,,. the gain of the Mod block is obtained by differentiating vp with
respect to ve and letting vy = V}.

11.37 In the error amplifier of Fig. 11.44a, R| and R, set the value of the feedback factor;

however, for small-signal analysis purposes, Vrer is set to zero, and R, has thus no
effect. Assuming ideal op amp, obtain expressions for w; through ws; then verify that
for Ry « Rz and C; > C, they simplify as in Eq. (11.54).

11.38 Assuming g« = 4.4 mA/V, R, = 180k, and C, = 3 pF in the transconductance-

type error amplifier of the LT1070, find the voitage gain Hea(jf) when the amplifier is
terminated on the frequency-compensation network shown in Fig. 11.48. Next, sketch
its Bode plots, and comment on your results.
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12
D-A AND A-D CONVERTERS

12.1 Performance Specifications
12.2 D-A Conversion Techniques
12.3 Multiplying DAC Applications
12.4 A-D Conversion Techniques
12.5 Oversampling Converters
Problems
References

In their natoral state, information-carrying variables—such as voltage, current,
charge, temperature, and pressure—are in analog form. However, for processing,
transmission, and storage purposes, it is often more convenient to represent infor-
mation in digital form. Consider, for instance, an op amp circuit that is required to
put out a signal v in the range of 0 V to 1 V with an accuracy of | mV, or 0.1%. Given
the effects of component nonidealities, drift, aging, noise, and imperfect wires
and interconnections, even an accuracy requirement this moderate may be difficult
to meet.

The demands on circuit performance can be relaxed significantly if information
is represented in digital form. For instance, in decimal form, which is the most
familiar form to humans, the above signal would be expressed as v = 0.did3 . . . dp,
whered|, ds. .. ., d;, are decimal digits between 0 and 9. For a 1-mV resolution over
the range 0.000 V < v < 0.999 V, three such digits are needed. This, in turn, requires
three separate circuits to hold the individual digit values; however, the performance
requirements are now much more relaxed because each digit-circuit needs to resolve
only 10 voltage levels instead of 1000. Individual accuracies of £5% are sufficient
for this task.

Expressing signals digitally, while easing one problem, creates another, namely,
the need to convert from analog to digital (A-D) and from digital to analog (D-A).
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For instance, a decimal D-A converter for our example would have to determine the
values of d), d3, and d3 as provided by the corresponding circuits (an easy task),
and then synthesize the analog signal v = dj 10~! + 1072 + d3107> witha I-mV
accuracy (an inherently difficult task).

Though convenient for humans, decimal representation does not relax circuit
performance requirements to the maximum extent. Rather, this is done by allowing
digits to take on just two values, namely, 0 and 1. If we represent these values with
sufficiently different voltages, such as 0 V and 5 V, then even the crudest circuit
will be able to resotve them. Binary digits, or bits, form the basis of digital systems
precisely because of this. Bits are held and manipulated by binary circuits such as
switches, logic gates, and flip-flops.

Figure 12.1 depicts the most general context! within which A-D and D-A con-
version is used. An analog input signal, after suitable conditioning, is A-D converted
to be processed or perhaps just transmitted or recorded in digital form by the digi-
tal signal processor (DSP) block. Once processed, received, or retrieved, it is D-A
converted to be reused in analog form, possibly after additional output conditioning.

The A-D converter (ADC) is operated at a rate of fg samples per second. To
avoid any aliasing phenomena,’-2 the analog input must be band-limited so that its
highest frequency component is fess than f}/2; antialiasing filters were addressed in
Chapter 4. ADCs usually require that the input be held constant during the conversion
process, indicating that the ADC must be preceded by an SHA to freeze the band-
limited signal just prior to each conversion; SHAs were addressed in Chapter 9.
The D-A converter (DAC) is usually operated at the same rate fg as the ADC and,
if the application demands so, it is equipped with appropriate circuitry to remove
any output glitches arising in connection with input code changes. The resulting
staircase-like signal is finally passed through a smoothing filter to ease the effects
of quantization noise.

The scheme of Fig. 12.1 is found, either in full or in part, in countless ap-
plications. Digital signal processing (DSP), direct digital control (DDC), digital
audio mixing, recording and playback, pulse-code modulation (PCM) communica-
tion, data acquisition, computer music and video synthesis, and digital-multimeter
instrumentation are only some examples.

This chapter, after introducing converter terminology and performance param-
eters, discusses the most common D-A and A-D conversion techniques and appli-
cations, including £-A converters.

v, O Antialising | [ o | apc -  Dsp
filter _l
L pac —-‘ Degliicher (—f STOIE L g
FIGURE 12.1
Sampled-data system.

12.1
PERFORMANCE SPECIFICATIONS

A string of #n bits, bjbybs . .. by, forms an r-bit word. Bit by is called_thc most
significant bit (MSB) and bit b, the least significant bit (LSB). The quantity

D=b2" 452 2453272+ 4+ ba27" az.n

is called the fractional binary value. Depending on the bit pattern, D can assume 2
equally spaced values from @ to 1 —27". The lower limit is reached when all bits are
0, the upper limit when all bits are 1, and the spacing between adjacent values is 27",

-

D-A Converters (DACs) .
A DAC accepts an n-bit input word b1 by . . . by with fractional binary value Dy, and
produces an analog cutput proportional to D;. Figure 12.2a depicts a voltage-output
DAC, for which we have

vo = KVeerDr = Vesr(0127' + 52277 + -+ + 527" (12.2)

where K is a scale factor; Vpgr is a reference voltage; by (k = 1, 2,...,n)is citht':r
0 or 1, depending on the logic level at the corresponding input; Vrsr = K VReF is
the full-scale range. Frequently used values for Vgsg are 2.5V, 5.0V, and I0.0_V.
Though our discussion will focus on voltage-output DACs, the results are readily
extended to current-output DACs, characterized by ip = K IngrDr = Iese Dy A
typical Igsg value is 1.0 mA. .

We observe that the DAC output is the resuit of multiplying the analog signal
VRer by the digital variable D;. A DAC that allows for VRgr to vary all the way
down to zero is called a muitiplying DAC (MDAC).

" --ﬂ
LAl 1158 /
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S 4wl F7
)
> 3fﬂ|- -
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o, ] o
s . DAC oV wl
.
.
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Veer bybyby

(a) (21

FIGURE 12.2 )
DAC diagram, and ideal transfer characteristic for n = 3 and Vesg = 1 V.
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Depending on the input bit pattern, v can assume 2" different values ranging
from 0 to the full-scale value Vgsy = (1 — 27")}Vggr. The MSB contribution
to vp is VEsp/2. and the LSB contribution is Visgr/2". The latter is called the
resolution, or simply the LSB. Note that Vegy is always | LSB short of Visg. The
quamity DR = 201log;, 2" is called the dynamic runge of the DAC. Thus, a 12-
bit PAC with Vegsg = 10.000 V has LSB = 2.44 mV, Vgsv = 9.9976 V, and
DR = 72.25 dB.

Since there are only 2" possible input codes, the transfer characteristic of
a DAC is a set of points whose envelope is a straight line with end points at
(b1ba... by, vp)=(00...0,0V)and(11...1, Vgsv). Figure 12.2b shows the char-
acteristic of a DAC with n=3 and Vgsg = 1.0 V. The graph consists of 23 =
8 bars ranging in height from Qio Vigy = ; V with a resolution of 1 LSB= é V.
If we drive a DAC with a uniformly clocked r-bit binary counter and observe v
with the oscilloscope, the waveform will be a staircase. The higher n, the finer the
resolution and the closer the staircase to a continuous ramp. DACs are available in
word lengths ranging from 6 bits to 20 bits or more. While DACs with 6, 8, 10, 12,
and 14 bits are common and economical, DACs with n > 14 become progressively
more expensive and require the utmost care to realize their full precision.

DAC Specifications’

The internal circuitry of a DAC is subject to component mismatches, drift, aging,
noise, and other sources of error, whose effect is to degrade conversion performance.
The maximum deviation of the actual output from the ideal value predicted by
Eq. (12.2) is called the absolute accuracy and is expressed in fractions of 1 LSB.
Clearly, if an n-bit DAC is to retain its credibility down to its LSB, its absolute
accuracy must never be worse than i LSB. DAC errors are classified as static and
dynamic.

The simplest static errors are the offser error and the gain eror depicted in
Fig. 12.3. The offset error (+1 LSB in the example) is nulled by translating the
actual envelope up or down until it goes through the origin, as in Fig, 12.3b. What

- Vesv Vesv -t
- . | 4 Gain
et |-} T ] emor
e
£ e / )
Offscl-{-—
error-_ g 0
000 000 [{R]
bbby b\baby
(a) (2]
FIGURE 12.3

DAC offset error and gain error.

is left, then, is the gain error (—2 LSB in the example), which is nulled by adjusting
the scale factor K.

Even after both errors have been nulled, the actual envelope is likely to deviate
from the straight line passing through the end points. The maximum deviation is
called the integral nonlinearity (INL), or also the relative accuracy, and is expressed
in fractions of 1 LSB. Ideally, the difference in height between adjacent bars is 1 LSB;
the maximum deviation from this ideal value is called the differential nonlinearity
(DNL). If DNL < —1 LSB, the transfer characteristic becomes nonmonotonic; that
is, for certain input code transitions v g will decrease with the input code, rather than
increase. A nonmonotonic characteristic is especially undesirable in control, where
it may cause oscillations, and in successive-approximation ADCs, where it may lead
to missing codes. An example will better clarify these concepts.

EXAMPLE 12.1.  Find the INL and DNL of the 3-bit DAC of Fig. 12.4. Comment on
your results.

Solution. By inspection, the individual-code integral and differential nonlinearities, in
fractions of 1 LSB, are found to be

k. 000 001 010 oLl 100 ] 110 111
INL,: 0 0 -1/2 172 -1 112 =12 0
DNL,: 0 0 -12 1 -3 n -1 12

The maxima of INL; and DNL, are, respectively, INL. = | LSB and DNL = I% LSB.
We observe a nonmonotonicity as the code changes from Q11 to 100, where the step
size is ~} LSB instead of +1 LSB; hence, DNLijw = —} — (+!1) = -2 LSB <
—1 LSB. The fact that DNL g, = % LSB > 1 LSB, though undesirable, does not cause
nonmonotonicity.

Remark. Note that INL,; = Zf.—.u DNL,. Can you provide an intuitive justification?

" T ; T
ERRERRRRE %4

T
W
118 4 -
000 001 010 O11 100 101 110 111
bybyby

FIGURE 12,4
Example of actual DAC characteristic after the
offset and gain errors have been nulled.

563

SECTION 12,1
Performance
Specifications



564

CHAPTER 12
D-A and A-D
Converters

DAC performance changes with temperature, age, and power-supply variations;
hence, all relevant performance parameters such as offset, gain, INL and DNL,
and monotonicity must be specified over the full temperature and power-supply
ranges.

The most important dynamic parameter is the settling time tg. This is the time
it takes for the output to settle within a specified band (usually 15 LSB) of its final
value following a code change at the input (usually a full-scale change). Typically, 1¢
ranges from under 10 ns to over 10 us, depending on word length as well as circuit
architecture and icchnology.

Another potential source of concern is the presence of output spikes in connec-
tion with major input-code transitions. Called glitches, these spikes are due to the
internal circuitry’s nonuniform response to input bit changes as well as poor syn-
chronization of the bit changes themselves. For instance, if during the center-scale
transition from 01 ... 1 to 10. . .0 the MSB is perceived as going on before (or after)
all other bits go off, the output will momentarily swing to full scale (or to zero),
causing a positive-going (or negative-going) output spike, or glitch.

Glitches are of particular concern in CRT display applications. They can be
minimized by synchronizing the input bit changes with a high-speed parallel latch
register, or by processing the DAC output vgith a THA. The THA is switched to the
hold mode just prior to the input code change, and is returned to the track mode only
after the DAC has recovered from the glitch and settled to its new level.

A-D Converters (ADCs)

An ADC provides the inverse function of a DAC. As shown in Fig. 12.54, it accepts
an analog input v; and produces an output word by b3 . . . b, of fractional value Do
such that
Do=b2"+b2 24 o pb2 "=t = 123

o=02 "+b2 "+t by KVeer ~ Vesr (12.3)
Usually, an ADC includes two additional control pins: the START input, to tell the
ADC when to start converting, and the EOC output, to announce when conversion
is complete. The output code can be in either parallel or serial form. ADCs are often
equipped with latches, control logic, and tristate buffers to facilitate microprocessor
interfacing. ADCs intended for digital panel-meter applications are designed to drive
LCD or LED displays directly.

The input to an ADC is often a transducer signal proportional to the transducer
supply voltage Vs, or v; = a Vs (aload cell is a typical example). In these cases it is
convenient to use Vs also as the reference to the ADC, for then Eq. (12.3) simplifies
as Do = aVg/K Vs = o/ K, indicating a reference-independent conversion. Called
ratiometric conversion, this technigue allows for highly accurate conversions using
references of only modest quality.

Figure 12.5b, top, shows the ideal characteristic of a 3-bit ADC with Vg =
1.0 V. The conversion process partitions the analog input range into 2" intervals
called code ranges, and alt values of v; within a given code range are represented
by the same code, namely, that corresponding to the midrange value. For example,
code 011, corresponding to the midrange value v; = g V, actually represents all

"
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FIGURE 12.5 o '
ADC diagram, and ideal transfer characteristic and quantization noise for n =3 and

Vesg=1V.

inputs within the range % + II‘G V. Due to the inability by the ADC to distinguish
among different values within this range, the output code can be in emor by'as muf:h
as &5 LSB. This uncertainty, called guantization error, or alst_) quantization noise
&g, is an inherent limitation of any digitization process. An obvious way to improve
it is by increasing n. ) ‘ .

As shown in Fig. 12.5b, bottom, e is a sawtooth-like variable w1l]h a peak value
of § LSB = Vpsr/2"*+!. Its rms value is readily found to be Eq = (3 LSB)A/3 or

Vst (124)
Fa= iz
. . . . . e . - hen v/ has a
If v; is a sinusoidal signal, the signal-to-noise ralio 13 maximized w I
peak amplitude of Vgsr/2, or an mms value of (VESR/Z)/ﬁ. Thus, SNRpax =
20 I°glni(VFSR/2\/i)/(VFSR/2" Vi2)), or
SNRinax = 6.02n + 1.76 dB (12.5)

Increasing n by 1 cuts E4 in half and increases SNRmax by 6.02 dB.

ADC Specifications’

Similar to the case of DACs, ADC performance is characlcriz;@ in terms of offset
and gain errors, differential and integral noniinearity, and stability. However, ADC
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101 Missing code
g iy
= I A
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001 L
000
071 2 3 4 5 6 7
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y (V)
FIGURE 12.6
Example of actual ADC characteristic with
missing code.

errors are defined in terms of the values of v; at which code transitions occur.
Ideally, these transitions occur at odd multiples of % LSB, as shown in Fig. 12.5b.
In particular, the first transition (000 — 001) occurs at v; = % LSB = [z V,and
the last (110 > 111)atv; = Vpsy — 5 LSB = Vpsg — 3 LSB = 12 V.

The offset error is the difference between the actual location of the first code
transition and % LSB, and the gain error is the difference between the actual locations
of the last and first transition, and the ideal separation of Vrgg — 2 LSB. Even after
both errors have been nulled, the locations of the remaining code transitions are
likely to deviate from their ideal values, as exemplified in Fig. 12.6.

The dotted curve, representing the locus of the midpoints of the actual code
ranges, is called the code center line. Its maximum deviation from the straight line
passing through the end points after the offset and gain errors have been nulled
is called the integral nonlinearity (INL). ldeally, code transitions are 1 LSB apart.
The maximum deviation from this ideal value is called the differential nonlinearity
(DNL). If the DNL exceeds | LSB, some codes may be skipped at the output. Missing
codes are undesirable in digital control, where they may lead 10 instability.

In the example shown, the INL error is maximized in connection with the 011
code range, where this error is“—% LSB. This range also maximizes the DNL error.
The range width of 2 LSB indicates that DNL = (2 — 1) LSB = 1 LSB. Not
suprisingly, there is a missing code. As you investigate INL and DNL errors, make
sure you measure them along the horizontal (or the vertical) axis, not as geometric
distances! As a check, you can use the relationship INLy = $°%_, DNL;, which
holds also for ADCs.

An A-D conversion takes a certain amount of time to complete. Called the
conversion time, it typically ranges from less than 10 ns to tens of milliseconds,
depending on the conversion method, resolution, and technology.

A practical ADC will produce noise in excess of the theoretical quantization
noise of Eq. (12.4). It will also introduce distortion due to transfer-characteristic

nonlinearities. The effective number of bits is then*

S/HN +D)-176dB
6.02

where S/{N + D) is the actual signal-to-noise-plus-distortion ratio, in decibels.

ENOB = (12.6)

EXAMPLE 122. A 10-bit ADC with Visg = 10.24 V is found to have S/(N + D) =
56 dB. Find E,, SNR,,, and ENOB.

Solution. Using Eqs. (12.4) through (12.6) gives E, = 2.89 mV, SNR,,, = 61.97dB,
and ENOB = 9.01, indicating nine effective bits. In other words, the given 10-bit ADC
yields the same pesformance as an ideal 9-bit ADC.

12.2
D-A CONVERSION TECHNIQUES

DAC:s are available in a variety of architectures and l.echnologies.z‘4 In this section
we examine the most common examples.

Weighted-Resistor DACs

Equation (12.2) indicates that the functions required to implement an n-bit DAC
are n switches and n binary-weighted variables to synthesize the terms by 27k k=
1,2,...,n; moreover, we need an n-input summer, and a reference. The DAC of
Fig. 12.7 uses an op amp to sum » binary-weighted currents derived from Vygr
via the current-scaling resistances 2R, 4R, 8R, ..., 2" R. Whether the current iy =
VREF/2X R appears in the sum depends on whether the corresponding switch s closed
(b = 1) or open (b = 0). Writing vg = —Ryig gives

vo = (—Rf/R)VRep(5127" + 5227 + -+ b,27") (2.7

indicating that K = — Ry /R. The offset emor is nulled by trimming Vps, and the
gain error by adjusting R ¢. Since the switches are of the virual-ground type, they
can be implemented with p-channel JFETs in the manner of Fig. 9.37.

by by by b,

FIGURE 12.7
Weighted-resistor DAC.
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The conceptual simplicity of the weighted-resistor DAC is offset by two draw-
backs, namely, the nonzero resistances of the switches, and a spread in the current-
selting resistances that increases exponentially with n. The effect of switch resis-
tances is to disrupt the binary-weighted relationships of the currents, particularly in
the most significant bit positions, where the current-setting resistances are smaller.
These resistances can be made sufficiently large to swamp the switch resistances;
however, this may result in unrealistically large resistances in the least significant
positions. For instance, an 8-bit DAC requires resistances ranging from 2R to 256R.
The difficulty in ensuring accurate ratios over a range this wide, especially in mono-
lithic form, restricts the practicality of resistor-weighted DACs below 6 bits.

Weighted-Capacitor DACs

Complex MOS ICs such as CODECS and microcomputers require on-chip data con-
version capabilities using only MOSFETs and capacitors, which are the natural
components of this technology. The DAC of Fig. 12.8 can be viewed as the switched-
capacitor counterpart of the weighted-resistor DAC just discussed. Its heart is an array
of binary-weighted capacitances plus a terminating capacitance equal in value to the
LSB capacitance. Circuit operation alternates between two cycles called the reser
and sample cycles.

During the reset cycle, shown in the figure, all switches are connected to ground
to completely discharge all capacitors. During the sample cycle, SW is opened
while each of the remaining switches is either left at ground or connected to VRger,
depending on whether the corresponding input bit is 0 or 1, respectively. This results
in a redistribution of charge whose effect is 1o yield a code-dependent output.

Using elementary capacitor-divider principles, we readily find v g = Vrgr G/ /Ci,
where C, represents the sum of all capacitances connected to VRgr, and C, the to-
tal capacitance of the array. We can write C, =b|C +b;C/2+ --- + b, C/27~ 1,

jﬁﬂ Vl)
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FIGURE 12.8
Weighted-capacitor DAC.

SW, SW, W,

*—0

moreover, Cy =C+C/24 -+ c/r1 4+ C /271 = 2C. Substituting gives
vo = VRep®127' + 52272+ 4+ 5a27") (12.8)

indicating that the sample cycle provides an n-bit D-A conversion with Vsr = VREF-

By the artifice of switching the bottom plates, as shown, t.hc bottom-(?lale l;:am-
sitic capacitances are connected either to ground or to VRE.F, WIthol.ll affectmg charge
distribution in the active capacitances. Since MOS capacna‘nce ‘rauos are easily con-
trolled to 0.1% accuracies, the weighted-capacitor schgme is suntgble forn < lO_. As
with weighted-resistor DACs, the main drawback of this scheme is an exponentially
increasing capacitance spread.

Potentiometric DACs
i imagi i ismatches in the most

It is not difficult to imagine the impact that component mismatcly e mo
significant bit positions of the previous DACs may have on dlﬂ'erenua'l !lonllnear.lty
and monotonicity. A potentiometric DAC achieves inherent monotonicity b_y using
a string of 2" resistors to partition Vrer into 2" identical intervals. As deplc_ted in
Fig. 12.9 for n = 3, a binary tree of switches then selects the tap cor_respon.dmg to
the given input code and connects it to a high-input-impedance amplifier with gain
K =1+ Ry/Rs. ] . .

No matter how mismatched the resistors, v will always increase as the amp!nfjer
is switched from one tap to the next, up the ladder, hence the mherel}t r_nonotgmcnty.
Another advantage is that if the top and bottom nodes of the resistive string are

R

7

Yo

R

P mmmmm——— e~ A —————————

FIGURE 12.9
Potentiometric DAC.
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biased at some arbitrary voltages Vg and Vi, the DAC will interpolate between V.
and Vy with a resolution of 27 steps. However, the large number of resistors (2")
and switches (2"1" — 2) required limits practical potentiometric DACs ton < 8,
even though the switches can be fabricated very efficiently in MOS technology.

R-2R Ladders

Most DACs architectures are based on the popular R-2 R ladder depicted in Fig. 12.10.
Starting from the right and working toward the left, one can readily prove that the
equivalent resistance lo the right of each labeled node equals 2R. Consequently, the
current flowing downward, away from each node, is equal to the current flowing
toward the right; moreover, twice this current enters the node from the lefi. The
currents and, hence, the node voltages are binary-weighted,

i) = %ik Vk+l = %Vk (12.9)
k=1,2,...,n-1 i i thatthe rightmost 2R resistance serves a purely terminating
function.)

2R
R Yo
Vrer 2R diy

FIGURE 12.10
R-2R ladder.

With a resistance spread of only 2-to-1, R-2R ladders can be fabricated mono-
lithically to a high degree of accuracy and stability. Thin-film ladders, fabricated by
deposition on the oxidized silicon surface, lend themselves to accurate laser trim-
ming for DACs with n > 12. For DACS with a lower number of bits, diffused or
ion-implanted ladders are often adequate. Depending on how the ladder is utilized,
different DAC architectures result.

Current-Mode R-2R Ladde;

The architecture of Fig. 12.11 derives its name from the fact that it operates on
the ladder currents. These currents are iy = VRgp/2R =(Vrep/R)27Y, iz =
(VRer/2)/2R = (Veer/ K272, . in = (VRep/R)27", and they are diverted ei-
ther to the ground bus (i) or to the virtual-ground bus (i o). Using bit by to identify
the status of SWy, and letting vg = ~ Ryip gives

vo=—(Rp/RIREr(0127 ' + 5272 4 - + 5,277 (12.10)

indicating that K = —Ry/R. Since ip +ig = (1 — 27")Ver/R regardless of the
input code, ig is said 10 be complementary 10 i. An important advantage of the

R R R 2R
WY WY W b 2R B WY N
V""Cb _PSW,__pSW  pSW SW.-ur__ W, Y
{ e fe g i 1feein
Yo
+ —1
I; =
I A

b, by by by by

FIGURE 12.11
DAC using a current-mode R-2R ladder.

current mode is that the voltage change across each switch is minimal, so charge
injection is virtually eliminated and switch-driver design is made simpler.

We observe that the potential of the i o bus must be sufficiently close to that of
the ig bus; otherwise linearity errors will occur. Thus, in high-resolution DACs, it is
crucial that the overall input offset error of the op amp be nulled and have tow drift.

Voltage-Mode R-2R Ladder

In the altemative mode of Fig. 12.12, the 2R resistances are switched between Vi
and V, and the output is obtained from the leftmost ladder node. As the input code

R L7}
Yo

= i

+ -~

R R R
2R 2R 2R 2R 2R 2R

sW, Wy __pSW Wy sW,
[fg (fs [f3.[73 [{5
Vy v
- [} & [} =

b, b, by by b,

FIGURE 12.12
DAC using a voltage-mode R-2 R ladder.
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is sequenced through all possible states from 0...0to 1...1, the voltage of this
node changes in steps of 27" (Viy — V) frem Vg to Vi — 277 (Vi — V). Buffering
it with an amplifier results in the scale factor K = 1 + Ry/Ry. The advantage of
this scheme is that it allows us to interpolate between any two voltages, neither of
which need necessarily be zero.

Bipolar DACs

In the architecture exemplified in Fig. 12.13 for n = 4, the R-2R ladder is used to
provide the currentbias for n binary-weighted BJT current sinks; n nonsaturating BJT
switches then provide fast current steering, typically in the range of nanoseconds,
The current sinks are Q through Q4, with Q4, providing a terminating function. We
observe that for the ladder to work properly, the upper nodes of the 2R resistances
must be equipotential. The voliages at these nodes are set by the emitters of the
current sinks. Since the corresponding currents are in 2:1 ratios, the emitter areas
must be scaled accordingly as 1Ag, 2Ag, 4Ag, and 8A g to ensure identical Vgg
drops and, hence, equipotential emitters,

b, 'hy by by
Q Q Q

FIGURE 12,1}
Bipolar DAC.

Figure 12.14 shows the details of the kth current-steering switch. For v >
Vaiasi. Q) isoff and @ is on. This, in turn, keeps 03 off and Q4 on, thus steering
the collector current of Oy to the i g bus. For vy < Vgjas1, the conditions are reversed
and the current of Qy is now diverted to the ig bus. The switching threshold is
typically set at Vgjag) = 1.4 V to provide both TTL and CMOS compatibility.

We observe that because of the finite betas of the BJTs, the current losses in
the bases introduce errors. The circuit of Fig. 12.13 uses Qp to compensate for
the base losses of the current sinks, and Qg to compensate for the base losses of

Veo
¥ ) Taias
Vi 13 & Vaiasi
0 io
k7]
=
O Vaasa *
!
(a) 1]

FIGURE 12,14
High-speed current switch.

the switches. The circuit works as follows: by op amp action, icg = VRer/ Rr-
Using the BJT relationship ic = aig, and assuming the szame a lhroughgul, we
have igg = ico/a = iggfa = (icg/a)/a = (VRer/R;)/a*. By Iafider action, lhf:
emitter current of the kth sink isigx = ipg2~k. The kth current reachlng theip busis
iy = aicy = alwigr) = azigol_" = (VREF/R,)Z"",indicating thefhsappearance
of base current errors. Summing the various currents on the i bus gives

ip= Ingp(b]'z—l + bzzaz + b32—3 + b42_4) {12.11)

where Irgr = VReF/Rr. o
Figure 12.15 shows the two most common ways of converting i o to a voltage.

The purely resistive termination of Fig. 12.15a, giving vo = —Riig, realizes the

R,
R, r
V,
= R,
= R,
{a) ()]

FIGURE 12.18
Bipolar DAC output conditioning.

573

SECTION 12.2
D-A Conversion
Techniques



574
CHAPTER 12
D-A and A-D

Converters

[P

full-speed capability of the DAC as long as Ry is sufficiently small to render the
effect of the stray output capacitance of the DAC negligible. The output swing is
in this case limited by the voltage compliance of the DAC, as given in the data
sheets. The op amp converter of Fig. 12.15b gives vg = Ryigy with a low output
impedance, but at the price of a degradation in dynamics as well as the extra cost of
the op amp. The overall settling time £5 can be estimated from the individual settling
times of the DAC and the op amp as

— /12 2
tg = IS(DAC) + IS(OA) (|2|2)

The purpose of Cy is to stabiliz¢ the op amp against the stray output capacitance
of the DAC.? Suitable op amps for this application are either high-SR, fast-settling
JFET-input types, or CFA types.

Master-Slave DACs

The resolution of the basic structure of Fig. 12.13 can, in principle, be increased
by using additional current sinks; however, maintaining ratioed emitter areas soon
leads to extravagant BJT geometries. The architecture of Fig. 12.16 eases the geom-
etry requirements by combining two DACs of the type just discussed in a master-
slave configuration in which the current of the terminating BIT Q4; of the master
DAC is used to bias the slave DAC. This current, representing | LSB of the master
DAC, is partitioned by the slave DAC into four additional binary-weighted currents,
with Qg; now providing the required termination. The result is an 8-bit DAC with
Irgr = VRer/ R, and a resolution of IREF/28‘ Popular master-slave DACs are the
DAC-08 (8-bit) and the DAC-10 (10-bit) (Analog Devices), both of which settle
within i% LSB in 85 ns (typical) and provide output voltage compliance down
to—10 V.

Current-Driven R-2R Ladder

The problems stemming from emitter area scaling are eliminated altogether by using
equal-value current sinks and exploiting the current-scaling capability of the R-2R
ladder to obtain binary-weighted contributions to the output. Though Fig. 12.17
shows a 4-bit example, the principle is readily extended to higher values of n. One
can readily show (see Problem 12.8) that the ladder admits a Norton equivalent with
Ry=Randip =QVrer/R (0127 + 51272 + 53273 + b,27); 10 reduce clut-
tering, b; through b4 have been omitted.

The use of suitably small ladder resistances (< 1 k€2) minimizes the effect of
parasitic capacitances, allowing v to settle very rapidly. If the output is left loating,
the DAC will givevg = —Ri = (—2R/R;)VRgrD; with R, = R. Alternatively,
if zero output impedance is desired, an I-V converter op amp can be used, but at the
price of a longer setiling time as per Eq. (12.12).
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Oleg +0

FIGURE 12.17 !
DAC using a current-driven R-2R ladder.

Segmentation

The matching and tracking capabilities of 1C components limit the resolution of the
DAC structures considered so far to 2 < 12. However, the areas of precision in-
strumentation and test equipment, process control, industrial weighing systems, and
digital audio playback often require resolutions and linearity performance well in
excess of 12 bits. One of the most important performance requirements is monotonic-
ity. In fact, there are situations in which uniform step size in the DAC characteristics
is more important than exact straight-line conformance. For instance, in process
control, even though the inherent linearity of an input transducer may not surpass
0.1% or 10 bits, a higher number of bits is often required to resolve small transducer
variations. Likewise, to ensure a high signal-to-noise ratio, digital audio playback
systems use 16 bits or more of differential linearity, though not necessarily providing
the same level of integral nonlinearity.

In conventional binary-weighted DACs, monotonicity is hardest to realize at
the point of major carry due to the difficulty of realizing the required degree of
match between the MSB and the combined sum of all remaining bits. To ensure
monotonicity, this match must be better than one part in 2!, indicating that dif-
ficulty increases exponentially with n. High-resolution DACs achieve monotonic-
ity by a technigue known as segmentation. Here the reference range is partitioned
into a sufficiently large number of contiguous segments, and a DAC of lesser
resolution is then used to interpolate between the extremes of the selected seg-
ment. We shall now discuss this technique for both voltage-mode and current-mode
DACs,

Voltage-Mode Segmentation

Figure 12.18 illustrates the segmentation technique utilized by the AD7846 16-bit
DAC (Analog Devices). The four MS input bits are decoded to select, via switches
SWy through SWig, one of sixteen voltage segments available along the resistor
string. The selected segment is then buffered by the voltage foliowers and used as
a reference voltage of nominal value VRgr/ 16 to drive a 12-bit voltage-mode R-2R

~ W
RZ SEGIS
~ W5
-
RS SEG14 W,
0 .
RZ SEGI3
~ SW”r
R SEG 12 Wi
0
R SEG 11 Wy,
O—e
RZ SEG10 ¥
R SEG9Y W,
k< sEGE SWy Vo 12it v
vy, DAC
Veer "'P R SEG? W,
 So—4b
R SEG 6 W,
o
RZ SEGS W,
o
R SEG 4 W,
L

FIGURE 12.18 .
Simplified diagram of the AD7846 16-bit segmented DAC. (Courtesy of Analog Devices.)
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DAC. The latter, in turn, partitions the selected segment into 212 = 4096 smaller
steps, starting at the bottom of the segment and ending one step short of the top, to
give

vo = VL +Dn(Vy — Vi) (12.13)

where Vi and V are, respectively, the top and the bottom of the selected segment,
and D is the fractional value of the lower 12-bit code. Omitted from the figure
for simplicity are an input latch register, the segment decoder and switch-driver
circuitry, and an output deglitcher switch.

Since the 65,536 possible output levels consist of 16 groups of 4096 steps each,
the major carry of the 12-bit DAC is repeated in each of the 16 segments. Conse-
quently, the accuracy required Qf the string resistances to ensure a given differential
nonlinearity is relaxed by a factor of 16. Note, however, that integral nonlinearity
cannot be better than the accuracy of the string resistances. The AD7846 offers 16-
bit monotonicity with an integral linearity error of +2 LSB, and a 9-us settling time
to 0.0003%.

Considering that with Vggr = 10 V the step size is only 10/2'¢ = 152 uV, op
amp input offset errors could cause intolerable differential nonlinearity if the buffers
were stepped up the ladder in fixed order. This problem is overcome by interehanging
the buffers at each segment transition, a technique referred to as leapfrogging. This,
in turn, requires that ¥y and V. also be interchanged to preserve the input polarity
to the 12-bit DAC. This function is provided by SWpa, and SWo,,. The effect of
buffer interchanging can be appreciated as follows.

With the switches positioned as shown, the DAC is processing segment 0. Denot-
ing the input offset errors of the op amps as Vos) and Vgs,, we have Vi = Vj+ Vs
and Vi = 0 + Vpg2, where V} = Vpgr/16. The last level of segment 0 is found
by inserting these expressions into Eq. (12.13) with D52 = (1 —2712), This gives
vouasy = Vill —2712) + Vosi — (Vosi — Vos2)27'2.

At the point of transition from segment 0 to segment 1, SWy is opened, SW,
and SW; are closed, and SWo4,and SWo4, are commutated. As a result, we now
have Vg =V, i Vi, nd V= V) 4 Vos), where Vo = 2V|. Consequently, the
first level of segent |as vouney = Vi + Vos). The difference between the two
levels yields the step size at the first major carry,

B _ Vrer | Vos2 - Vosi
vo(fisy ~ Volan = Sig t — oz

indicating that the Ieapfrogging“technique reduces the combined offset error by 212,
For instance, assuming |Vos2 — Vos1| = 10 mV, the error term is 10'2/2'2=
2.4 uV « 1 LSB. Similar considerations hold at the remaining segment transitions.

Current-Mode Segmentation

Figure 12.19 illustrates segmentation for the case of a 16-bit current-mode R-2R
DAC. The resistances at the left establish 15 current segments of value Vrgr/R»
5o the contributivii 1 _ach segiment to the output is —(R ¢/ R)Vrgr. The decode
logic examines the 4 MS input bits and diverts o the i bus 8 such segments for

15 segments 12-bit DAC

Yo

1 2 3 eee |5
Decode logic
/3 o S G S O
b by by by by by by bie

FIGURE 12.19
16-bit segmented DAC using a 12-bit current-mode R-2R ladder.

by. 4 segments for by, 2 segments for b3, and 1 segment for by. The remaining
resistances form an ordinary 12-bit current-mode R-2R DAC, whose contribution to
the output is given by Eq. (12.10). Using the superposition principle, we thus have
vo = —(Rs/R)VREF x (8b1 +4by+2b3 +ba +bs2 ™! +b6272 4+ - +b1627'2),0r

R
vo = —ls—Ri VRer(®12™" + 52272 4 - 4 b162719) (12.14)

indicating a 16-bit conversion with Vrsr = —16(R s/ R) VRep. We obsetve that the
segment resistances, like the ladder resistances, need only be accurate to 12 bits to
ensure monotonicity at the 16-bit level. An example of a DAC using this principle
is the MP7616 16-bit CMOS DAC (Micro Power Systems).

Figure 12.20 shows a 16-bit segmented DAC using the current-driven ladder
architecture. Here Q1 through Q7 provide 7 current segments of value VRer/4R, =
0.25 mA, which a decoder {not shown for simplicity) steers either to the i bus or to
ground, depending on the 3 MS bits. Steered to the i o bus are 4 segments for b, 2
segments for b2, and | segment for b3. Moreover, Qg through Q3, along with the K-
2R ladder, form a 13-bit current-driven DAC. Proper scaling requires an additional
R resistance between the 13-bit DAC and the i bus. Consequently, the Norton
resistance is now R, = 2R. By the superposition principle,io = (VRgr/4R, }(4b)+
2Wr+by+ b2 4652724 4 b162~'%), or

VREF
R,

indicating a 16-bit conversion with Irgsg = 2 mA. Two popuiar examples of 16-bit
monolithic DACs wtilizing this architecture are the PCM52/53 (Burr-Brown) and
HI-DACI16 (Harris).

io=2 G127 5274+ b2 (12.15)
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«se

Vee 7 segments 13-bit DAC

FIGURE 12.20
16-bit segmented DAC using a |3-bit current-driven R-2R ladder.

12.3
MULTIPLYING DAC APPLICATIONS

The R-2R ladder DACs of Figs. 12.11 and 12.12 are especially suited to monolithic
fabrication in CMOS technology.® The switches are implemented with CMOS tran-
sistors, and the ladder and the feedback resistor Ry = R are fabricated by thin-film
deposition on the CMOS die. Because of process variations, the resistances, though
highly matched, are not necessarily accurate. For instance, a ladder with a nominal
rating of 10 k2 may in practice lie in the range of 5 k2 10 20 k2.

Figure 12.21 shows the circuit diagram of the kth switch, k=1,2, ..., n. The
switch proper consists of the n-MOS pair Mg- Mg, while the remaining FET's accept
TTL- and CMOS-compatible logic inputs to provide antiphase gate drives for Mg
and Mg. When the logic input is high, Mg is off and My is on, so iy is diverted to the
i) bus. When the input is low, Mg is on, My is off, and iy, is now diverted to the g bus.

The nonzero resistance r4,(0n) Of the switches tends to disrupt the 2:1 ratio of
the ladder resistances and degrade performance. Since 745¢on) is proportional to the
ratio of the channel length L to the channel width W, it could be minimized by fabri-
cating Mg and Mg with L/ W <« I, this, however, would lead to extravagant device
geometries. A common technique for overcoming this drawback is to taper switch
geometries (o achieve, at least in the MS bit positions, binary-weighted switch resis-
tances such as rg;ony = 20 Q, rds2(on) = 40 Q, ras3on) = 80 £2, and so on. Since
the currents halve as the switch resistances double, the product 745k (on) X i} remains
constant throughout the tapered bit positions, causing a systematic switch voltage
drop, whose value is typically 10 mV. Since this drop is effectively being subtracted
from VREF, the result is a gain error that is readily trimmed by adjusting R .

f:ﬁ W
J g e

Logic lo
input M, PR “es
sae e

d -

io

FIGURE 12.21
CMOS switch for R-2R ladder.

EXAMPLE 12.3. A CMOS DAC with n = 12 is operated in the current mode depicted
in Fig. 12.11. If Vger = 10.0 V and the DAC is calibrated at 25 °C, specify TC(Vrer)
and TC(V,s) so that the individual drift errors contributed by the reference and the op
amp are less than :t} LSB over the operating range of 0 °C to 70.°C.

Solution, We have ] LSB = 10.0/2"* = 0.61 mV. Since the maximum temperature
excursion from the point of calibrationis 70° —25° = 45 °C, the individual drifts must not
exceed £0.61 x 1073745 = +13.6 £V °C. This gives TCma ( Vaer) = +1.36 ppm”C.
Moreover, using a conservative estimate of 2 V/V for the noise gain of the op amp, we
have TCmax(Vos) = £13.6/2 = £6.8 uV/°C.

In the following we shall use the functional diagram of Fig. 12.22 to represent
2 CMOS DAC. This structure is available from various manufacturers in a range of

Vee

Vrer 0— io

io

FIGURE 12.22
Functional diagram of a multiplying DAC.
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resolutions (8 to 14 bits) and configurations (single, dual, quad, and octal packages),
Many versions include input buffer latches to facilitate microprocessor interfacing.
Depending on resolution, settling times range from under 100 ns to over 1 us. One of
the earliest and most popular families of CMOS DACs is the AD7500 series (Analog
Devices).

MDAC Applications

The reference voltage of a CMOS DAC can be varied over positive as well as negative
values, including zero. This inherent multiplicative ability makes CMOS DACs, aptly
called MDACs, suited to a variety of digitally programmable applications.5

Yo

(@) (b)

FIGURE 12.23
(a) Digitally programmable attenuator: vo = — Dvy; (b) digitally programmable amplifier:
vo = (=1/D)v;.

The circuits of Fig. 12.23 provide, respectively, digitally programmable attenu-
ation and amplification. Using Eq. (12.10) with Ry = R, we find that the attenuator
of Fig. 12.23a gives vo = —Dvy, so its gain A = — D is programmable from 0 to
—(1 =27 V/IVZ=—1V/Vinsteps of 27" V/V. In the amplifier of Fig. 12.23b we
have vy = —Dvg,orvg = (—1/D)v;. lts gain A = —1/D is programmable from
=1/(1-27") = -1 V/V whenglibitsare 1,10 -2 V/V whenbb; ... b, = 10...0,
102" V/V when by ... b,_1by = 0...01, to the full open-loop gain a when all bits
are 0. To combat the effect of the stray capacitance of the ip bus, it is advisable to
connect a stabilizing capacitance C ¢ of a few tens of picofarads between the output
and the inverting input of the op amp.3

If we cascade the attenuator of Fig. 12.23a with a Miller integrator having
unity-gain frequency w), the transfer function of the composite circuit is H =
(—=D) x [~1/(jw/ws)] = 1/(jw/Dew\). This represents a noninverting integrator
with a digitally programmable unity-gain frequency of Dw,. Such an integrator can
be used to implement a digitally programmable filter. The filter example of Fig. 12.24
is a state-variable topology of the type encountered in Fig. 4.37, so we can reuse

——

R B,
V; -
OA, Vip
+
Veer
MDAC,
D o—

FIGURE 12.24
Digitally programmable filter.

Eq. (4.34) and write

wg=DyRa/R/RsC Q= Ry/VRyRy (12.16a)
Hoyp = —Ra/Ry Hopp = —R3/R) Howp = —Ra/R (12.16b)

indicating that we can program wy digitally from 2="./R3/Rs/RsC to (1 — 27")

VRa2JRa/RsC. Once we have a digitally programmable filter, we can readily turn

it into a digitally programmable oscillator by letting 0 — oo (see Problem 12.12).
[]

EXAMPLE 12.4. Inthe circuit of Fig. 12.24 specify suitable components for @ = | N2,
Hoge=—1 V/V, and fp digitally programmable in 10-Hz steps by means of 10-bit
MDACs.

Solution. Impose R; = Ry = 10.0k, and let C = 1.0 nF. Then, the full-scale range
is forswy = 2'% x 10 = 10.24 kHz, so Rs = 1/(2710, 240 x 10~%) = 15.54 kQ {use
154kQ, 1%).

Use fast op amps with low-input-offset error and noise characteristics and wide
dynamics, such as the OPA627 JFET-input op amps (Burr-Brown). To avoid high-
frequency Q enhancement, phase-error compensation may be required, as discussed
in Section 6.5.

Figure 12.25 shows a digitally programmable waveform generator. The circuit
is similar to that encountered in Fig. 10.19a, except for the use of an MDAC 1o
control the rate of capacitance charge/discharge digitally. To avoid the uncertainties
of the ladder resistances, the MDAC is current-driven using the REF200 100-uA
current source (Burr-Brown). When vsg is high, Irgr enters the MDAC; when vsq
is low, IrgF exits the MDAC. In either case the MDAC divides this current to give
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FIGURE 12.25
Digitally programmable triangular/square-wave oscitlator.

ip = * DIggr. To find the frequency of oscillation fp, apply Eq. (10.2) with At =
1/2fo. 1 = DIggr,and Av = 2Vr = 2(R}/R3}Vcjamp, Where Velamp = 2Vp(ony +
Vzs. The result is

(Ra/ R\)IReF

Jo=D—F——" 12.17
4CVclamp ( )

indicating that fj is linearly proportional to D.

EXAMPLE 125, In the circuit of Fig. 12.25 specify suitable components for 5-V wave-
form ampliwdes and f, digitally programmable in !-Hz steps by means of a 12-bit
MDAC.

Solution. For Voamp =35 V, use Vzs=3.6 V. Moreover use Ry =R, =20 kQ and

=6.2 k2. The full-scale range is f()(FSR)—z x 1 =4.096 kHz, so Eq. (12.17)
gives C =100x 107%/(20 x 4096) = 1.22 nF (use 1.0nF, which is more easily available,
and raise R 10 24.3 k2, 1%). Use a low-offset JFET-input op amp for OA, and a high
slew-rate op amp for CMP.

124
A-D CONVERSION TECHNIQUES

This section discusses popular ADC techniques, such as DAC-based ADCs, flash
ADCs, integrating ADCs, and variants thereof.2# A more recent technique, known
as sigma-delta (£-A) conversion, is addressed in the next settion.

DAC-Based A-D Conversion

A-D conversion can be accomplished by usingaDAC anda su:table register to adjust
the DAC’s input code until the DAC'’s output comes within i! LSB of the analog
input. The code that achieves this is the desired ADC output by ... by. As shown
in Fig. 12.26, this technique requires suitable logic circuitry to direct the register

by==+b,

Register

) STARTO—! J) L—()EOC -

FIGURE 12.26
Functional diagram of a DAC-based ADC.

to perform the code search on the arrival of the START command, and a voliage
comparator to announce when v has come within i: LSB of v; and thus issue an
end-of-conversion (EOC) command. Moreover, to center the analog range property,
the DAC output must be offset by +% LSB, per Fig. 12.5b.

The simplest code search is a sequential search, obtained by operating the
register as a binary counter. As the counter steps through consecutive codes starting
from 0. ..0, the DAC produces an increasing staircase, which the comparator then
compares against v;. As soon as this staircase reaches v;, CMP fires and stops the
counter. This also serves as an EOC command to notify that the desired code is
sitting in the counter. The counter must be stepped at a low enough frequency to
allow for the DAC to settle within each clock cycle. Considering that a coaversion
can take as many as 2" — | clock periods, this technique is limited to low-speed
aprlications. For example, a 12-bit ADC with a I-MHz counter clock will take

2 _ 1) us = 4.095 ms to convert a full-scale input.

A better approach is to allow the counter to start counting from the most recent
code rather than restarting from zero. If v; has not changed drastically since the last
conversion, fewer counts will be needed for v to catch up with v;. Also referred
to as a tracking or a servo converter, this scheme uses the register as an up/down
counter with the count direction controlled by the comparator: counting will be up
whenvg < vy, and down whenvg > v;. Whenever v crosses vy, the comparator
changes state and this is taken as an EOC command. Clearly, conversions will be
relatively fast only as long as v; does not change too rapidly between consecutive
conversions. For a full-scale change, the conversion will still take 2" — 1 clock
periods.

The fastest code-search strategy uses binary search techniques to complete an
n-bit conversion in just n clock periods, regardless of v;. Following is a description
of two implementations: the successive-approximation and the charge-redistribution
ADCs.

585

SECTION 12.4
A-D Conversion
Techniques



586

CHAPTER 12
D-A and A-D
Converters

Successive-Approximation Converters (SA ADCs)

This technique uses the register as a successive-approximation register (SAR) to
find each bit by trial and error. Starting from the MSB, the SAR inserts a trial 1 and
then interrogates the comparator to find whether this causes v ¢ to rise above v;. If
it does, the trial bit is changed back to 0; otherwise it is left as 1. The procedure is
then repeated for all subsequent bits, one bit at a lime, in a way similar to a chemist's
balance. Figure 12.27 illustrates how a 10.8-V input is converted to a 4-bit code
with VEsg = 16 V. The analog range, in volts, is at the teft, and the digital codes at
the right. To ensure correct results, the DAC output must be offset by —% LSB, or
—0.5 V in our example. The conversion takes place as follows.

15
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(1) T amouuny U N
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1
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FIGURE 12.27

Idealized DAC output for the 4-bit successive-
approximation conversion of v;=10.8 V
with Vesp =16 V.

Following the arrival of the START command, the SAR sets b to | with all
remaining bits at 0 so that the irial code is 1000. This causes the DAC to output
vo=16(1 x 271 +0x272+0x2734+0x27%) -~ 0.5 = 7.5 V. At the end of
clock periad T, v is compared against v;, and since 7.5 < 10.8, by is left at |.

At the beginning of T, b; is set to 1, so the trial code is now 1100 and vp =
16277 4+2°2) —05=115V. Since 11.5 > 10.8, b is changed back to 0 at the
endof Ty, ~

At the beginning of T3, b3 is set to 1, so the trial code is 1010 and vg =
10— 0.5=9.5 V. Since 9.5 < 10.8, by is leftat I,

At the beginning of T4, by is set to 1, so the trial code is 1011 and vp =
11 —0.5 = 10.5 V. Since 10.5 < 10.8, by is left at 1. Thus, when leaving Ty, the
SAR has generated the code 1011, which ideally corresponds to 11 V. Note that any
voltage in the range 10.5 V < v; < 11.5 V would have led to the same code.

Since the entire conversion takes a total of n clock cycles, a SA ADC offers a
major speed improvement over a sequential-search ADC. For instance, a 12-bit SA
ADC with a clock frequency of 1 MHz will complete a conversion in 12 us.

Figure 12.28 shows an wtual implementation’ using the Am2504 SAR and the
Am6012 bipolar DAC (Advanced Micro Devices), whose seltling time is 250 ns,
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FIGURE 12.28
12-bit, 6-ps successive-approximation ADC.

[l

along with the CMP-05 comparator, whose response time to a 1.2-mV overdrive
(% LSB) is 125 ns maximum. The desired output code is available both in parallel
form from Qg through @, or in serial form at the data pin D.

To take full advantage of the bipolar DAC speed, i is converted to a voltage for
the comparator via simple resistive termination. Since its inputis vy = vy — Rip,
the comparator is in effect comparing :‘P against v; /R. The function of the 20-MQ
resistance is to provide the required — 5-L.SB shift, and that of the Schottky diodes
is 1o limit the voltage swing at the comparator input in order to reduce delays caused
by the stray output capacitance of the DAC.

The primary factors affecting the speed of a SA ADC are the settling time
of the DAC and the response time of the comparator. The conversion time can be
further reduced by a number of ingenious techniques,” such as comparator speed-up
techniques, or variable-clock techniques, which exploit the faster settling times in
the least significant bit positions.

The resolution of a SA ADC is limited by the resolution and linearity of the
DAC, and the gain of the comparator. A crucial requirement is that the DAC be
monotonic to prevent the occurrence of missing codes. The comparator, besides
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CHAPTER 12 logic swing, or a > (Von — Vor)/(Visg/2"). For instance, wi
> . , with Vog=5 V,
DéA and A-D VoL = oV, .VFSR =10 V,and n = 12, we need @ > 2048 V/V, Anotheroi‘:lponam
onverters requirement is that during conversion v; remain constant within :I:% LSB; otherwise

an erroneous code may result. For instance, if v; were to rise above 11.5 V

€ may re X 5V after the
set(:ion: clocllc, period in Fig. 12.27, there would be no way for the SAR to go back

and change b3, so a wrong output code would resuit. This i i i
the ADC with a suitable SHA.. o I avoided by preceding
SA ADCs are available from a variety of sources and in a wide range of perfor-
mance charactens_ucs and prices. Conversion times typically range from under | us
for the faster 8-bit upils to tens of microseconds for the high-resolution (n > 14)
zpcs. SlA ADCs eiqunpped with an on-chip SHA are referred to as sampling ADCs
popular example is the AD1674 12-bit, 100-kilosampl .
ADC (Anstos Do s ples per second (ksps) SA

. Charge-Redistribution Converters (CR ADCs)

Thc.a circuit of F.ig. 12.29 performs a succgssive-approximation conversion using a
weighted-capacitor DAC of the type of Fig. 12.8. Its operation involves three cycles
called lh.e sample, hold, and redistribution cycles.?
‘ During the sample cycle, SWy grounds the top-plate bus while § W; and SW,
through SW, | connect the bottom plates to v, thus precharging the entire capacitor
array to vy.

During the hqld cycle, SWy is opened and the bottom plates are switched to
ground, thus causing the top-plate voltage to swing to —v;. The voltage presented
to the comparator at the end of this cycle is thus vp = —v;.

During th‘e ‘rcdistri_bution cycle, SWy is still open, SW; is connected to VRgr,
. and the remaining switches are sequentially flipped from ground to VREF. and

W, W, 5w, SW, W,

. ale

b b, by b,

SAR and controf ingic ‘,7
START 0—l & L-O EOC

CK

FIGURE 12,29
Charge-redistribution ADC.

possibly back to ground, to perform a successive-approximation search for the
desired code. ,

Flipping & given switch SW} from ground to VREF causes v p to increase by the
amount VRgp(C/2%~1)/C, = Vrgr2~*. If it is found that this increase causes the
comparator to change state, then SWy is returned to ground; otherwise it is left at
VReF and the next switch is tried. This procedure is repeated at cach bit position,
starting from the MSB and progressing down to the LSB (excluding the terminating
capacitor switch, which is left permanently grounded). It is readily seen that at the
end of the search the voltage presented to the comparator is

vp=—-vi+t Vrep(b12™' + 5272+ + ba2™™)

and that vp is within d:i LSB of 0 V. Thus, the final switch pattern provides the
desired output code.

Because of the exponential increase of capacitance spread with n, practical CR
ADCs are limited to n < 10. One way to increase resolution is to combine charge
redistribution with potentiomeltric techniques,” as exemplified in Fig. 12.30. Here
a resistor string partitions Vxgr into 2" inherently monotonic voltage segments,
and an ny -bit weighted-capacitor DAC interpolates within the selected segment. As
long as the capacitances are ratio-accurate tonp, bits, the composite DAC will retain
monotonicity to i = r g + g bits, so using it as part of an SA conversion will avoid
missing codes. A conversion proceeds as follows.

Initially, SW is closed to autozero the comparator, and the bottom plates are
connected via the L bus and SW/ to the analog inputv . This precharges the capacitor

-

To capacitor switches

T coe t
To resistor ¢ SAR and
switches switch control logic K

crod TT o7 Lo

b by Boyen,

FIGURE 12.30
High-resolution charge-redistribution ADC.
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array to v; minus the comparator’s threshold voltage, thus removing this threshold
as a possible source of error.

Next, SW; is opened, and an SA search among the resistor string taps is per-
formed to find the segment within which the voltage held in the capacitor array lies.
The outcome of this search is the n y-bit portion of the desired code.

Once the segment has been found, the H and L busses are connected 1o the
extremes of the corresponding resistor, and a second SA search is performed 1o find
the individual bottom-plate switch settings that make the comparator input converge
10 its threshold. The outcome of this search is the np -bit portion of the desired code.
For instance, with nyy = 4 and ng = 8, the circuit provides 12 bits of resolution
without excessive demands in terms of circuit complexity or capacitance spread and
matching.

Flash Converters

The circuit of Fig. 12.31 uses a resistor string to create 2" — | reference levels
separated from each other by |1 LSB, and a bank of 2" — | high-speed latched
comparators to simultaneously compare v; against each level. Note that to position
the analog signal runge properly, the top and bottom resistors mustbe 1.5R and 0.5R,
as shown. As the o .. . 1. .re strobed by the clock, the ones whose reference
levels are below v; will output a logic 1, and the remaining ones a logic 0. The
result, referred to as a bar graph, or also as a thermometer code, is then converted to
the desired output code by ... b, by a suitable decoder, such as a priority encoder.

VRer
L0 b,
Lo b,
Decoder E
] o b,
2
B
Pl
J_ 1
|
, -
Y sk °
LT &

FIGURE 12,31
n-bit flash converter,

Since input sampling and latching take place during the first phase of the clock
period, and decoding during the second phase, the entire conversion lakes only one
clock cycle, so this ADC is the fastest possible. Aptly called a flush converter, it is
used in high-speed applications, such as video and radar signal processing, where
conversion rates on the order of millions of samples per second (Msps) are required,
and SA ADCs are generally not fast enough.

The high-speed and inherent-sampling advantages of flash ADCs are offset by
the fact that 2" — | comparators are required. For instance, an 8-bit converter requires
255 comparators. The exponential increase with n in die area, power dissipation, and
stray input capacitance makes flash converters impractical for n > 10. Flash ADCs
are available in bipolar or in CMOS technology, with resolutions of 6, 8,.and 10 bits,
sampling rates of tens to hundreds of Msps, depending on resolution, and power
dissipation ratings on the order of 1 W or less. Consult the catalogs to familiarize
yourself with the range of available products.

Subranging Converters

Subranging ADCs trade speed for circuit complexity by splitting the conversion into
two subtasks, each requiring less complex circuitry, Also called a two-step, or a
half-flash, converter, this architecture uses a coarse flash ADC 10 provide an n-bit
accurate digitization of the ny most-significant bits. These bits are then fed to a
high-speed, n-bit accurate DAC to provide a coarse approximation to the analog
input, The difference between this input and the DAC ouiput, called the residue, is
magnified by 2" V/V by an amplifier called the residue amplifier (RA), and finally
fed to a fine flash ADC for the digitization of the nj least-significant bits of the n-bit
code, where n = ny + np. Note that the half-flash requires an SHA to hold the
value of v; during the digitization of the residue.

Figure 12.32 exemplifies an 8-bit converter with n; =ny =4. Besides the
SHA, the DAC, and the RA, the circuit uses 2(24 — 1) =30 comparators, indicat-
ing a substantial saving compared to the 255 comparators required by a full-flash.
(This saving is even more dramatic for n > 10.) The main price for this saving is a
longer conversion time, with the first phase comprising the conversion time of the
coarse ADC, the acquisition time of the SHA, and the settling time of the DAC-
subtractor-RA block, and the second phase comprising the conversion time of the

Veer o
RA
v, Coarse o Fine [}
ol sHA flash DAC DH{FRRS | flash []
ADC ADC
wod_J 111] ’ b1

by by by by

FIGURE 12.32
8-bit subranging ADC. (Note that DAC must be 8-bit accurate.}
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fine ADC. Moreover, the requirement that the DAC be n-bit accurate may be a heavy
requirement.

Subranging ADCs, though not as fast as full-flash ADCs, are still comparably
faster than SA ADCs, so the subranging architecture, or variants® thereof, is used in
a number of high-speed ADC products.

Pipelined Converters

Pipelined ADCs break down the conversion task into a sequence of N serial subtasks,
and use SHA interstage isolation to allow for the individual subtasks to proceed
concurrently to achieve high throughput rates. With reference to Fig. 12.33, each
subtask stage consists of an SHA, an ADC, a DAC, a subtractor, and an RA, with
some or even all functions often combined in one circuit* The first stage samples
vy, digitizes k bits, and uses a DAC-subtractor-RA circuit to create a residue for
the next stage in the pipeline. The next stage samples the incoming residue and
performs a similar sequence of operations while the previous stage begins processing
the next sample. The ability of the various stages to operate concurrently makes
the conversion rate depend on the speed of only one stage, usually the first stage.
Pipelined structures are used in a variety of formats, including the case k = 1, which
results in the simplest per-stage circuitry, though n such stages are needed. However,
if stages are reused, considerable savings in die area can be achieved.

) ¢; oy
V1 o— Stage IO — Sla.ge R — Stage

I j N

—A

g
H ]
\ i
! : : + RA
| SHA k-hit v] k-bit — 1
: ADC DAC :
\ 1

FIGURE 12.33
Pipeline ADC architecture.

Integrating-Type Converters

These converters perform A-D conversion indirectly by converting the analog input
1o a linear function of time and thence to a digital code. The two most common
converter types are the charge-balancing and dual-slope ADCs.

Charge-balancing ADCs convert the input signal to a frequency, which is then
measured by a counter and converted to an output code proportional 1o the analog
input.® These converters are suited to applications where it is desired to exploit the
ease with which a frequency is transmitted in noisy environments or in isolated form,
such as telemetry. However, as seen in Section 10.7, the transfer characteristic of a

START * —o :n
Control Counter [+ O %2
logic M
EOC 0— b,
CK

FIGURE 12.34
Functional diagram of a dual-slope ADC.

VFC depends on an RC product whose value is not easily maintained with temper-
ature and time. This drawback is ingeniously overcome by dual-slope converters.

As shown in the functional diagram of Fig. 12.34, a dual-slope ADC, also called
a dual-ramp ADC, is based on a high-input-impedance buffer, a precision integrator,
and a voltage comparator. The circuit first integrates the input signal v; for a fixed
duration of 2 clock periods, and then it integrates an internal reference VRer of
opposite polarity until the integrator cutput is brought back to zero. The number N
of clock cycles required to return to zero is proportional to the value of v; averag_ed
over the integration period. Consequently, N represents the desired output code.l \R{lth
reference to the waveform diagram of Fig. 12.35, following is a detailed description
of how the circuit operates.

Prior to the arrival of the START command, SW) is connected to ground and
SW, closes a loop around the integrator-comparator combination. T'flis forces the
autozero capacitance Caz to develop whatever voltage is needed to bring the output

v

Autozero 2" cycles Neyelgs Auwozero

8, | _iRC

+ ~
Integrate v, Integrate —Veer

FIGURE 12.35
Dual-slope waveform.
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of OA; right to the comparator’s threshold voltage and leave it there. This phase,
referred to as the autozero phase, provides simultaneous compensation for the input
offset voltages of all three amplifiers. During the subsequent phases, when SW;
opens, Caz acts as an analog memory 1o hold the voltage required to keep the net
offset nulled.

At the arrival of the START command, the control logic opens SW), connects
SWy to v (which we assume to be positive), and enables the counter, starting
from zero. This phase is called the signal integrate phase. As the integrator ramps
downward, the counter counts until, 2% clock periods later, it overflows. This marks
the end of the current phase. The swing Avy described by the integrator during this
interval is found via Eq. (10.2) as CAvy = (v7/R) x 2" x Tck, where Te is the
clock period, and v] the average of v; over 2"Tck.

As the overflow condition isreached, the counter resets automatically to zero
and SW; is connected to —Vggg, causing vy to ramp upward. This is called the
deintegrate phase. Once v, again reaches the comparator threshold, the comparator
fires to stop the counter and issues an EOC command. The accumulated count N is
such that CAvy = (Vger/R)NTck. Since C Av; is the same during the two phases,
we get

g M
N VRer

We make a number of important observations.

(12.18)

1. The conversion accuracy is independent of R, C, Tck, and the input offset volt-
age of the three amplifiers. As long as these parameters remain stable over the
conversion period, they affect the two integration phases equally, so long-term
drifts are automatically eliminated.

2. An integrating ADC offers excellent linearity and resolution, and virtuaily zero
differential nonlinearity. With an integrator of suitable quality, nonlinearity errors
can be kept below 0.01%, and resolution can be pushed above 20 bits. Moreover,
since v3 is a continuous function of time, differential nonlinearity, within the
limits of clock jitter, is virtually absent, so there are no missing codes.

3. A dual-slope ADC provides excellent rejection of ac noise components with
frequencies that are integral multiples of 1/(2"Tck). For instance, if we specify
Tek so that 2" Ty is a multiple of 1/60 = 16.67 ms, then any 60-Hz pickup
noise superimposed on the input signal will be averaged to zero. In particular, if
2" Tck "= 100 ms, the ADC will reject both 50-Hz and 60-Hz noise.

4. Anintegrating converter does not require an SHA at the input. If v; changes, the
converter will simply average it out over the signal-integrate period.

The main drawback of dual-slope ADCs is a low conversion rate. For instance,
imposing 2"Tck = 1/60 and allowing as many clock periods to complete the
deintegrate phase for a full-scale input, it follows that the conversion rate is less
than 30 sps. These converters are suited to highly accurate measurements of stowly
varying signals, as in thermocouple measurements, weighing scales, and digital
multimeters.

Dual-slope ADC ICs are available from a variety of sources, usually in CMOS
technology. Besides autozero capabilities, they offer automatic input polarity sens-
ing and reference polarity switching to provide sign and magnitude information.

Moreover, they are available both in microprocessor-compatible and in display-
oriented versions. The latter provide the output code in a format suitable for driving
decimal LCD or LED displays, and their resolution is expressed in terms of deci-
mal digits rather than bns Since the Ieftmost digit is usvally allowed to run only
(o unity, it is counted as 2 digit. Thus, a 42 digit sign-plus-magnitude ADC hav-
ing VEsgr = 200 mV yields all decimal codes within the range of £199.99 mV and
with a resolution of 10 uV. An example is the ICL7129 42-d|g|l ADC (Harris),
which, with the help of suitable support circuitry, is easily tumned into a full-fledged
multimeter to measure both dc and ac voltages and currents, as well as resistances.

We are now able to compare the circuit complexity and the required clock-cycles
for the architectures discussed so far:

Flash Pipeline SA Integrating

Complexity : 2" n |
Conversion : 1 1 n 2"
125

OVERSAMPLING CONVERTERS

It is apparent that the most critical part of a data converter is its analog circuitry.
Because of component mismatches and nonlinearities, drift and aging, noise, dy-
namic limitations and parasitics, resolution and speed can be pushed only so far.
Oversampling converters ease analog-circuitry reguirements at the expense of more
complex digital circuitry. These converters are ideal for mixed-mode IC fabrication
processes, where fast digital-processing circuitry is far more easily implemented than
precise analog circuitry. The principal benefits of oversampling followed by digi-
tal filtering are relaxed analog-filter requirements and quantization-noise reduction.
Sigma-delta {X-A) converters combine with these benefits the additional benefit of
noise shaping 1o achieve truly high resclutions (> 16 bits) with the simplest analog
circuitry (1-bit digitizers).

Before embarking on the study of oversampling and noise shaping, we need
10 examine in greater detail conventional sampling, also referred to as Nyquist-rare
sampling.

Nyquist-Rate Sampling

The digitization process, depicted in Fig. 12.36qa, has a profound impact on the
frequency spectrum of the input signal. We are primarily interested in the situation
from dc to the sampling frequency fs. As depicted in Fig. 12.36b, this range consists
of two zones, namely, zone 1 extending from dc to /2, and zone 1l extending from
fs/2 w0 fs. Zone 1 is also called the baseband, and fg/2 is calied the Nyquist
bandwidth. The effects of digitization are twotold:!2

1. Digitization, viewed as discretization in time, creates additonal spectral compo-
nents, called images, at locations symmetric about the midpoint fg/2; for in-
stance, a spectral component of v; at f = f; results in an image at f = fs — f,
as shown in Fig. 12.36b, top.
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FIGURE 12.39
Integrator and comparator outputs for (@) v; = 0.5 Vg, and (b) v; = 0.75Vegg.

Figure 12.39 shows the integrator and comparator outputs for two representative
input conditions (the dots mark the instants’in which CMP is strobed). In (a) vy is set
at midrange, so the serial stream contains an equal number of Os and ts. To decode
this stream with a 2-bit resolution, we pass it through a digital filter which computes
its average over four sampies. The result is the fractional binarg value Do =10,
corresponding to (% + g)VFSR- or 0.5Vgsg. In (b) vy is set at 7 of the range, so
the serial stream contains three 1s for every 0. After averaging, this gives Dg =11,
corresponding (o (% + %)Vpsu. or 0,75 Vsg. It is apparent that the distribution of Os
and Is in the sertal stream depends on the value of vy within the range of 0 to Vgsg.

To understand how noise shaping comes about, refer to Fig. 12.40, where the
quantization error is modeled additively via the noise process ¢,; (jf) = a/NkfsT2.
By inspection, the various Fourier transforms are related as V, = ¢4+ H x(V; — V,),
or

Volj ! Vi(j ! j 12.26
”"f)_|+|/H(jf) l.’f)+|+H(jf)eq!Uf) (12.26)
Choosing H(jf) such that its magnitude is sufficiently large over the frequency
band of interest will provide the simultaneous benefits of (a) making V, closely
track V; over the given band and (b) drastically reducing quantization noise over
the same band. This is not surprising for the observant reader who has already noted
the simitarity of Fig. 12.40 to Fig. 1.25, or the similarity of Eq. (12.26) to Eq. (1.53)
with H playing the role of 7 and ey; that of xa.

FIGURE §2.40
Linear system model of a £-A ADC.
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FIGURE 12.41 .
Switched-capacitor implementation of a first-order modulator. Bottom-switch

phase is (¢. ¢,) for vo = high, and (¢, 1) for vg = low. -

For frequency bands extending down to dc, H( jf) is usually implemented
with integrators; however, depending on the application, othe: Iﬁlter types may be
more efficient, such as band-pass filters in telecommunications.” ' In mixe_d—mode IC
processes, H(jf) is implemented using switched-capacitor techniques. Figure 12.41
shows an SC realization!! of the 1-bit modulator. Using Eq. (4.22) with Cy = C2,
w=2nf,and Tcg = |/kfs, we can express the SC integrator (ra::nsfer function as
HG) = 1/lexp(j2nf/kfs) — 1] Substituting into Eq. (12.26) gives

Vo) = Vi(Gif)e T4 1 egaif) (12.27)

eqolif) = (1 = eI 1K) egiif) (12.28)
By the well-known Fourier-transform property that multip_lying by e_xp(— joT)in
the frequency domain is equivalent to delaying by T in the time dpmam, Eq ( I2.2.7)
indicates that v is simply v; delayed by 1/k fs. Moreover, applying Euler’s identity
to Eq. (12.28), we can write

leqaCif)l = 2sinGe f/kfs)leqi ()

The plot of Fig. 12.42 reveals that the modulator shifts most of llhe noise energy
toward higher frequencies. Only the shaded portion will make il past the filter/

(12.29)

M
qf \I’Eﬂﬁ! g
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Spectral density

FIGURE 12.42
First-order noise shaping (k = 16).
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decimator, so the corresponding rms oultput noise is obtained as

I 42
Eq= leqoUif)12df (12.30)
0

For k> 7, we obtain (see Problem 12.22) E; =nq/v Ud=x Vrsp /(2" 36k3).
Expressing & in the form k = 2™ gives, for a first-order £-A ADC,

SNRpmax = 6.02(n + 1.5m) — 3.41dB (12.31)

indicating a 1.5-bit improvement for every octave of oversampling; this is better than
the 0.5-bit improvement without noise shaping.

The benefits of noise shaping can be enhanced further by using higher-order
modulators. For instance, suitably cascading'! two subtractor-integrator blocks gives
a second-order -A ADC with

lego (i) = 2sinGr £/ kfs)Pleqi ) (12.32)

Substituting into Eq. (12.30), we obtain (see Problem 12.22), fork > n1, Eg = xzq/
NLTL e VESR /(2"V60k5). This yields, for a second-order £-A ADC,

SNRmax = 6.02(n +2.5m) — 11.14dB (1233)

indicating a 2.5-bit improvement for every octave of oversampling.

EXAMPLE 127. Find & for SNR,., > 96 dB (or > 16 bits) using (@) a first-order and
(b) a second-order £-A ADC.

Solution.

(a) Imposing 6.02(1 + 1.5m) — 3.41 > 96 gives m > 10.3, or k > 293 = 1261.
(b} Similarly, k > 267 = 105,

Besides offering the aforementioned advantages of undemanding and mixed-
mode-compatible analog circuitry, 1-bit quantizers are inherently linear: since only
two output levels are provided, a straight characteristic results, with no need for
trimming or calibration as in multilevel quantizers. Moreover, the presence of the
integrator makes the input SHA unnecessary—if at the price of more stringent input-
drive requirements due to charge injection effects.

Practical upper limits on sampling rates currently restrict £-A ADCs to
moderate-speed but high-resolution applications, such as digital audio, digital tele-
phony, and low-frequency megasurement instrumentation, with resolutions rang-
ing from 16 to 24 bits.!214 An additional factor to keep in mind is that since the
digital filter/decimator computes each high-resolution sample using many previous
low-resolution samples, there is a latency as information progresses from input to
output through the various stages of the fiiter. This delay may be intolerable in certain
real:time applications, such as control. Moreover, it makes £-A converters unsuited
to input multiplexing, that is, to situations where it is desired 10 share the same ADC
among different sources to help reduce cost.

The interested reader is referred to the literature? '} for additional practical
issues such as stability and idle tones, system architectures, and the fascinating
subject of digital filtering and decimation.

PROBLEMS

12.1 Performance specifications

12.1 A 3-bit DAC designed for Vysg = 3.2 V is sequenced through all input codes from 000
to 111, and the actual output values are found tobe vp = 0.2,05,1.1,14,1.7, 2.0,
2.6, and 2.9, all in V. Find the offset ervor, the gain error, the INL, and the DNL. in
fractions of 1 LSB.

12.2 A full-scale sinusoid is applied to a 12-bit ADC. If the digital analysis of the output
reveals that the fundamemtal has a normalized power of 1 W while the remaining
power is 0.6 uW, find the effective number of bits of this ADC. What is the SNR if
the input sinusoid is reduced to 1/100th of full scale?

12.2 D-A conversion techniques

12.3 A 6-bit weighted-resistor DAC of the type of Fig. 12.7 is implemented with Vg =
1.600 V, but with Ry = 0.99R instead of R; = R, and a low-quality op amp having
Vos = SmV anda = 200 V/ V. Find the offset and gain errors of this DAC, in fractions
of | LSB. What is the worst-case value of the output when all bits are set to 1?

12.4 A 4-bit weighted-resistor DAC of the type of Fig. 12.7 is implemented with Vggr =
—3.200 V and a high-quality op amp, but gross resistor values, namely, Ry =9.0 kQ
instead of 10 k{2, 2R =22 kQ instead of 20 k<2, 4R = 35 kQ instead of 40 k2, 8R =
50 k2 instead of 80 kQ2, and 16R = 250 k2 instead of 160 k2. Find the gain error,
along with the integral and differential nonlinearities. Comment on your findings.

12.5 The AH35010 quad switch (National Semiconductor) consists of four analog-ground
p-FET switches and relative diode clamps of the type of Fig. 9.37, plus a fifth dummy
FET for r45(on) compensation. (a) Using an LM385 2.5-V reference diode, an AH5010
quad switch (rysen) = 100 ), and a JFET-input op amp with 3:15-V supplies, design
a 4-bit weighted-resistor DAC with Vesg = +10.0 V. (b) Compute v for each input
code. (c) Repeat if the op amp has Vs = 1 mV. What are the offset and gain errors
of your DAC? !

12.6 One way of curbing excessive resistance spread in an 8-bit weighted-resistor DAC
is by combining the outputs of two 4-bit DACs as vy = vamsy + 2 *vouLs), where
vos) is the output of the DAC using the four MSBs of the 8-bit code, and v15)
that of the DAC using the four LSBs. Using components of the type of Problem 12.5,
design one such 8-bit DAC.

12.7 (a) Using an 8-bit R-2R ladder with R = 10 kR, an LM3835 2.5-V reference diode,
and a 741 op amp, design an 8-bit voltage-mode DAC with Visg = 10 V. (b) Modify
your circuit so that vg is offset by —5 V. Assume £15-V regulated supplies.

12.8 (a) Derive expressions for the element values in the Norton equivalent of the current-
driven R-2R ladder DAC of Fig. 12.17. (b) Suppose Vrie/R, = 1 mA, R = 1 k2,
and the output of the DAC is fed to a simple [-V converter op amp with a feedback
resistance of | k€. If the I-V converter introduces an offset error of % LSB and a gain
ertor of —% LSB, find the [-V converter output for b, b,byby = 0000, 0100, 1000,
1100, and 1111. (¢) Find the closed-loop small-signal bandwidth if the op amp has a
constant GBP of 50 MHz.
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FIGURE 12.36
Nygquist sampling with analog filtering.

2. Di gi‘lizalion. Yiewed as discretization in amplitude, introduces quantization noise,
as discussed in Section 12.1. The noise’ power of v; folds into the baseband, in
the manner depicted in Fig. 12.36b, bottom.

l.f 2 is 9a Irglatiw:ly active or busy signal, its quantization noise can, under certain
conditions,™ ' be treated as white noise with spectral density

q
g = 12.
q /7572 (12.19)
where ¢ = Vgsp/2"/12. The rms value is '
£z, NP2
E, = (/0 e df) =gq (12.20)

or E, = Vpgp/2"/12, in accordance with Eq. (12.4). As we know, this results in
SNRmax = 6.02n + 1.76 dB 12.21)

With reference 1o Fig. 12.36b, top, we observe that as long as all spectral compo-
nents of v/ lie within zone I, their images will be confined within zone 11 Processing
the spectrum of the digitized signal with a low-pass filter having a cutoff frequency
of fs/2 will pass the baseband components and block their images, thus allowing
for the full recovery of the spectrum of v;. This spectrum can, in turn, be used to
reconstruct v, itself. However. should v, possess spectral components in zone 1I,
their images will creep into zone |, overlapping the tegitimate components there and
causing nonlinear distortion. This phenomenon, referred to as aligsing, introduces
an ambiguity that prevents the recovery of the spectrum of v 1- Nyquist's criterion
states that if we want to recover or reconstruct a signal of a given bandwidth fg
from its digitized version, the sampling rate f must be such that

fs>2fp (12.22)

where 2 f5 is called the Nyquist rate. This requirement can be met either by band-
limiting v; below f5/2, or by raising f5 above the Nyquist rate.

A familiar aliasing example is offered by the spoked wheels of a stagecoach
in a 16-mm, 24-frames-per-second Western. As long as the coach travels slowly
enough relative to the camera’s sampling rate of 24 frames per second, its wheels
will appear to be turning correctly. However, as the coach speeds up. a point is
reached where the wheels will appear to be siowing down, indicating an alias, or
unwanted frequency, near the upper end of the baseband. Speeding up further will
lower the alias frequency uniil it reaches dc, where the wheels will appear to be still.
Any speed increase beyond this point will result in a negative alias frequency, making
the wheels appear to be turning backward! These aliasing effects could be avoided
either by limiting the filming only to slow scenes, or by increasing the number of
frames per second. -

In practical ADCs, to avoid wasting digital data rate, fg is usually specified not
far above the Nyquist rate of 2 fg. For example, digital telephony, where the band
of interest is fg = 3.2 kHz and thus 2 fg = 6.4 kHz, uses fg = 8 kHz. Likewise,
compact-disc audio, where fg = 20 kHz and 2 fp = 40 kHz, uses fs = 44.1 kHz.
Even though fs is not strictly equal to 2 fg, these converters are loosely referred to
as Nyquist-rate converters.

It is apparent that in order to prevent any noise ot spurious input spectral com-
ponents above fs/2 from folding into the baseband, an antialiasing filter is required.
Such a filter must provide a flat response up to fp and must roll off rapidly enough
thereafier to provide the desired amount of suppression at f5/2 and beyond. The
shaded area of Fig. 12.36b, top, represents the baseband aliases of the unsuppressed
signal and noise components above fg/2. The contribution from these aliases must
be kept below % LSB by suitable choice of Apin. Such a choice, in turn, depends
on the noise distribution and the spectral makeup of vy for f > f5/2. 1t is apparent
that the performance requirements of the antialiasing filter can be quite stringent.
Elliptic filters are a common choice for this task because of their sharp cutoff rate,
if at the price of a nonlinear phase response.

"~ Oversampling

Consider now the effect of speeding up the sampling rate by a factor of &, k > 1.
This is shown in Fig. 12.37a. The ensuing benefits. illustsated in Fig. 12.37b, are
twofold.

1. The transition band of the analog filter preceding the digitizer is now much wider,
praviding an opportunity for a drastic reduction in circuit complexity. n fact, in
oversampling converters of the £-A type, this filter can be as simple as a mere
RC stage!

2. The quantization noise is now spread over a wider band, or

q
o (12.23)
“a JEfsT2

indicating a spectral-density reduction by Jk.
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FIGURE 12.37
Oversampling with analog and digital filtering.

The price for the preceding benefits is the need for a digiral filter at the output
of the digitizer to (a) suppress any spectral components and noise above f5/2, and
(b) reduce the data rate from k fg back to f, a process known as decimation. Though
digital filters/decimators are beyond the scope of this book, it must be said that they
can be designed for very sharp cutoff characteristics with good phase response.
Moreover, they are far more easily implemented and maintained with temperature
and time than their analog counterparts, and they can readily be reprogrammed in
the software, if needed.

We observe that the rms noise at the output of the digitizer is still Vgsg /2" V12
however, only the shaded portion will make it past the filter/decimator, so the rms

noise at the output is ‘
-

fs/2 g2 12
q
E, = / . =gk 12.24
q ( o kfs/2 f) q/ ( )
or E; = Vpsr/2"+/12k. Expressing & in the form k = 2™, we now have
SNRmax = 6.02(n 4+ 0.5m) + 1.76 dB (12.25)

indicating a 5—bit improvement for every octave of oversampling.

EXAMPLE 126. An audio signal is oversampled with a 12-bit ADC. Find the over-
sampling frequency needed to achieve a 16-bit resolution. What is the comesponding
SNRpax?

Solution, To gain 16 — 12 = 4 bits of resolution we need to oversample by m =
4/(1/2) = 8 octaves, so the oversampling frequency must be 2! x 44.1 kHz =
11.29 MHz. Moreover, SNRq,, = 98.09 dB.

Remark. Oversampling, while increasing resolution, does not improve linearity: the
integral nonlinearity of the final 16-bit conversion cannot be beuter than that of the 12-bit
ADC used!

Noise Shaping and X-A Converters

It is instructive to develop an intuitive feel for quantization-noise reduction. To this
end, refer back to the 3-bit ADC example of Fig. l2 S, and suppose we apply a
constant input V) lying somewhere between 3 gV and V. The ADC wﬂl yield ellher
Do =011 or Dp = 100, depending on whether V, is closer to B V or to 8 V.
Moreover, only one sample needs be taken to find Dg. Aningenious way o increase
resolution above 3 bits is to add a Gaussian-noise dither e, {1) to V;, and take multiple
samples of the resulting signal v;{¢) = V| + e,(r). Because of the fluctuations of
v (1), the samples will form a Gaussian distribution about some mean value, which
we can easily compute by taking the average of our multiple readings. The result
gives a more accurate estimate of V;! In fact, Eq. (12.25) indicates that we need
four samples to increase resolution by 1 bit, sixteen samples to increase by 2 bits,
sixty-four samples to increase by 3 bits, and so forth.

Z-A ADCs use feedback for the double purpose of (a) generating dither to
keep the input busy, and (b) reshaping the nouse spectrum to reduce the amount of
oversampling required. In its simplest form® depicted in Fig. 12.38a, a £-A ADC
consists of a 1-bit digitizer or modulator to convert v; to a high-frequency serial data
stream v g, followed by a digital filter/decimator to convert this stream (o a sequence
of n-bit words of fractional binary value D¢ at a lower rate of fg words per second.
The modulator is made up of a latched comparator acting as a 1-bit ADC, a 1-bit
DAC, and an integrator to integrate (I) the difference (A) between vy and the DAC
output; hence the name X-A ADC. The comparator is strobed at a rate of k fg sps,
where k, usually a power of 2, is called the oversampling ratio.

l Digital filler | 7
ko & decimator )

FIGURE 12.38
First-order E-A ADC.
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12.3 Multiplying DAC applications

12.9 The programmable attenuator of Fig. 12.23a can be tumed into a programmable

12.10

12.11

12.12

12.13

12.14

attenuator/amplifier by using a T-network of the type of Fig. 2.2 in the feedback path.
This is achieved by interposing a voltage divider between the op amp output and the
R pin of the DAC (see Analog Devices Application Note AN-137). Using a 12-bit
MDAC with Ry = 10 kS, design a circuil whose gain can be varied from é Vivio
64 V/V as the input code is sequenced from (0. ..0l to 1. .. 11.

Consider the circuit obtained from the biquad filter of Fig. 3.36 by replacing the
inverting amplifier (OAs plus the R; resistances) with the programmable attenuator of
Fig. 12.23a. Find an expression for the band-pass response, and verify that both f and
Q are proportional to /D, indicating a digitally programmable, constant-bandwidth
band-pass filter.

Consider the circuit obtained from Fig. 12.24 by removing Ry, MDAC,, OAs, and
the QA3 integrator. (¢) Sketch the reduced circuit, and show that now OA; and OA,
provide, respectively, the first-order high-pass and low-pass responses. (b) Specify
suitable components so that the low-pass response has a dc gain of 20 dB, the high-
pass response has a high-frequency gain of 0 dB, and the characteristic frequency is
digitally programmable in 5-Hz steps by means of a dual 10-bit MDAC.

Modify the quadrature osciltator of Fig. 10.6 for peak amplitudes of 5 V and f
digitally programmable in 10-Hz steps by means of a dual 10-bit MDAC.

Using a 12-bit MDAC and an AD537 wide-sweep CCO (see Fig. 10.33), design a
triangular wave generator with peak values of £5 V and f; digitally programmable
in 10-Hz steps. The circuit is to have provision for both frequency and amplitude
calibration. Assume the triangular wave available across the timing capacitor of the
ADS537 has a peak-to-peak amplitude of % V.

Using an 8-bit CMOS DAC of the type of Fig. 12.11, an LM385 2.5-V reference
diode, and an LM317 regulator of the type of Fig. 11.26, along with other components
as needed. design a 1-A power supply digitally programmable over the range 0.0 V to
10.0 V. Assume +15-V supplies.

12.4 A-D conversion techniques

12.15

12.16

12.17

As we know, a SA ADC must usually be preceded by a THA. However, if the input
is sufficiently slow to change by less than :i:% LSB during the conversion cycle, then
the THA is unnecessary. (@) Show that a full-scale sine wave input can be converted
without the need for a THA, provided its frequency is below finax = 1/2"nt5ac, where
tsac i$ the time it takes for the SA ADC to complete a conversion. (b) Find fmax for
an 8-bit SA ADC operating at the rate of 10® conversions per second. How does fnax
change if the SA ADC is preceded by an ideal SHA?

Discuss the general requirements on the reference, DAC, and comparator of an 8-bit
SA ADC for a conversion time of | us over the range 0 "C < T < 50 °C with an
accuracy of £1/2 LSB, if Vigg = 10V,

Consider a charge-redistribution ADC of the type of Fig. 12.29 with n=4,
Ve =3.0 V. and C =8 pF. Assuming node v, has a parasitic capacitance of

12.18

12.19

12.20

12.21

4 pF toward ground, find the intermediate values of vp during the conversion of
vy = 1.00V.

Assume the 8-bit subranging ADC of Fig. 12.32 has Vger=2.560 V. (a) Find
the total number of comparators, their voltage reference levels, and the maximum
level tolerances allowed for a :t% LSB accuracy. (b) Find b, ... bg, vges. and the
quantization error for vy = 0.5V, 1.054 V, and 2.543 V.

Show that if the input to the dual-slope ADC of Fig. 12.34 contains an unwanted ac
component of the type v; = Vi, cos(wt +6), then the result of integrating it over the in-
terval T = 2"Tcx is proportional to the sampling function Sa(wT) = sin(wT)/(wT).
Plot {Sa(wT)lgs vs. @T, and verify that this type of ADC inherently rejects all un-
wanted ac components whose frequencies are integfl multiples of /T,

The integrator of a dual-slope ADC is implemented with an op amp having gain
a = 10° V/V. (a) Assuming its output vo (1) is initially zero, find vop(t > 0) if the
input is v, = 1 V. (b) Find the minimum value of RC so that vo(t = 100 ms) is
afflicted by an error of less than 1 mV.

A 14-bit dual-slope ADC of the type of Fig. 12.34 is to be designed so that it rejects
the 60-Hz power-line interference frequency and harmonics thereof. (z) What is the
required clock frequency fox? What is the time required to convert a full-scale input?
(b) If Vigr = 2.5 V and the input is in the range 0 to 5 V, what is the value of RC
for a peak value of 5 V at the integrator’s output for a full-scale input? (¢) If compo-
nent aging cavses R to change by +5% and C by —2%, whal is the effect upon the
integrator’s output for the case of a full-scale input? Upon the conversion’s accuracy?

12.5 Oversampling converters

12.22

12.23

12.24

12.25

(@) Plot leg,(jf)|.0 < f < kfs/2 for the second-order £-A ADC, and compare
with the first order. (b) Show that the rms noise before digital filtering is V2 2g for the
first-order modulator, and +/8¢ for the second-order modulator. (c) Using the approx-
imation sinx = x for x < 1, show that the rms noise after digital filtering is, for
k>»n nq/ JIE3 for the first-order modulator, and wig/ /5" for the second-order
modulator. (d) Find the rms noise percentage removed by the digital filter for both
orders if k = 16.

Compare the sampling rates needed for a 16-bit audic ADC using a 1-bit ADC w_ilh
(a) straight oversampling, (b) first-order noise shaping, and {c) second-order noise
shaping. "
An8-bit ADC that is linear to 12 bits is usedto performconversions over a 100-kHz sig-
nal bandwidth. (a) Find the sampling rate required to achieve 12 bits of accuracy using
straight oversampling. (b) Repeat, but for the case in which the above ADC is placed
inside a first-order E-A modulator. (¢) Repeat, but for a second-order modulator.

Anoversampling audio ADC withn = 16, Visg =2V, fs = 48 kHz,and kfs = 64f;
uses a simple RC network as the input antialiasing filter. (a) Specify RC for a maxi-
mum atenuation of 0.1 dB for 0 < f < 20 kHz. (b) Assuming the spectral makeup
of v; within the first image band kfs & 20 kHz is just white noise with spectral den-
$ity ey, find the maximum allowed value of ¢, 50 that the corresponding base-band
rms noise is less than { LSB.
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The highly predictable characteristic of the bipolar junction transistor is ex-
ploited in the realization of some very useful nonlinear functions, such as logarith-
mic conversion and variable transconductance multiplication. These functions, in
turn, provide the basis for a variety of other analog operations, such as antilogarith-
mic amplification, true rms conversion, analog division and square-root computa-
tion, various forms of linearization, and voltage-controlled amplification, fiitering,
and oscillation. These precise building blocks simplify analog design considerably
while broadening the scope of practical analog circuits to applications where con-
siderations of speed or cost require implementation in analog rather than digital
form.

Another important class of nonlinear circuits is provided by phase-locked loops.
Though unrelated to those just mentioned, PLLs encompass many of the important
topics that we have studied so far. We thus find it appropriate to conclude the book
with this subject.
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13.1
LOG/ANTILOG AMPLIFIERS

A logarithmic amplifier—also called iog amp, or logger—is an I-V converter with a
transfer characteristic of the type

i
vo = V,,log,,T (|3])
i

where V,, is called the output scale factor, I; the input reference current, and b is
the base, usually 10 or 2. V,, represents the sensitivity of the log amp, in volts per
decade (or per octave), and [; is the value of iy for which vg = 0. Note that for
proper operation we must always have i;/I; > 0. The quantity

DR = log, /Imex (13.2)

is called the dynamic range and is expressed in decades or in octaves, depending on
b. For instance, a logger designed to operate over the range 1 nA <i; <1 mA has
DR = log;o(1073/107%) = 6 decades, or DR = log, 10% = 20 octaves.

Plotting Eq. (13.1) on semilog paper with i; /I; on the logarithmic axis and v
on the linear axis, as in Fig. 13.1a, yields a straight line with a slope of V,, V/dec.
Any departure of the actual characteristic from the best-fit straight line is called the
log conformity error e . Though this error can only be observed at the output, it is
convenient to refer it to the input because of the unique log-function property that
equal percentage errors at the input produce equal incremental errors at the output,
regardless of the point on the curve. Indeed, denoting the percentage input error as p,
we have e = vo(acual) — Vodideal) = Yo logp[(1 + p)E1 /1)1 — Vo logylip /1), or

eg = Volog,(1 + p) (13.3)

Forinstance, with b = 10and V,, = | V/dec, a | % input error corresponds to an output
error eg = | logy(1 + 0.01) =4.32 mV. Conversely, eg == 10 mV corresponds to a
percentage error p such that 10 mV = 1 logo(1 + p), or p = 2.33%.

The main application of log amps is data compression. As an example, consider
the digitization of a photodetector current over the range 10 nA <ij < 100 A with
an error of less than 1% of its actual value. Since we have a four-decade range, the
required resolution is 0.01/10* = 17105, or 1 ppm. Since 10% = 220, this requires

ve (lin)

(@) (b)

FIGURE 13.1
Logarithmic characteristic and the transdiode configuration.

a 20-bit A/D converter, which can be a challenging and expensive proposition.
Consider now the effect of compressing the input with a log amp before digitizing.
Letting, for instance, b = 10, V,, = | V/dec, and [; = 10 nA, the current range is now
compressed to a 0 to 4-V voltage range. Since a 1% current accuracy corresponds
to a 4.32-mV voltage interval, the required resolution is now (4.32 x 10-3)/4 =
1/926 = | /2"), or 10 bits. This represents a substantial reduction in cost and circuit
complexity!

The inverse function of logarithmic compression is exponential expansion. This
is provided by the antilogarithmic amplifier (antilog amp), whose transfer charac-
teristic is

ig =LY - (134)

where 1, is the output reference current and V; the input scale factor, in yolts per
decade or per octave. The output of an antilog amp can be converted to a vollage
by means of an op amp -V converter. When plotted on semilog paper with v; on
the linear axis and i /1, on the logarithmic axis, Eq. (13.4) also yields a straight
line. The above log conformity error considerations still hold, but with the input and
output errors interchanged.

The Transdiode Configuration

Log/antilog amplifiers exploit the exponential characteristic of a forward-active BJT.
By Eq. (5.3), this characteristic can be written as vgeg = Vr In(ic/l). Practical
logging BITs conform to this equation remarkably well over a range of at least six
decades,! typically for 0.1 nA <ic <0.1 mA. The heart of log/antilog amps is the
circuit of Fig. 13.1b, known as the transdiode configuration. The op amp converts
v} to the current i; = v /R, and then forces the BJT in its feedback path to respond
with a logarithmic base-emitter voltage drop to yield
Vi
=-Vrin— 13.5
vo TIn el (13.5)
If we take into account also the input bias voltage Vos and bias current Iy, then
the collector current becomes ic = (vy — Vos)/R —15,s0the transfer characteristic
takes on the more realistic form
vi — Vos — Rig

v = —VT In ‘——-—Rl—"— (|3-6)
5

The input offset error (Vos + Rig) sets the ultimate limit on the range of inputs
that can be processed within a given log conformity error. Wide-dynamic-range
loggers use op amps with ultra-low Vos and /g to approach the ideal characteristic
of Eq. (13.5). The ultimate limit is then posed by drift and noise. if the transdiode is
driven directly with a current source i;. Eq. (13.5) reduces to vg = —Vrin(i;/15),
and the ultimate limit is now set by the input bias current of the op amp or by the low-
end log conformity error of the BIT, whichever is higher. In general, current-driven
loggers offer a wider dynamic range than voltage-driven loggers.

609

SECTION 13.1
Log/Antilog
Amplifiers



.

610 Stability Considerations
CHAPTER 13
Nonlinear Transdiode circuits are notorious for their tendency to oscillate due to the presence

Amplifiersand  of an active gain element inside the feedback loop. As shown in Fig. 13.2a, the
Phase-Locked transdiode is stabilized' by using an emitter-degeneration resistance Rg 10 reduce
Loops the feedback factor 8, and a feedback capacitance C s to provide feedback lead. To
investigate stability we need to find the feedback factor B. To this end, refer to the
ac model of Fig. 13.2b, where the BJT has been replaced by its common-base small-
signat model.* The BJT paramelers r, and r, depend on the operating current /¢
as
o — o VT r= VA
¢ - [C [ ’C
where Vr is the thermal voltige and V4 is the so-called Early voltage. Fypically,
a@ =1 and V4 = 100 V. The base-collector junction capacitance Cy and the
inverting-input stray capacitance C, are typically on the order of a few picofarads.

37

i

(a) b)
FIGURE 13.2
Transdiode circuit with frequency compensation, and its incremental model.
Circuit analysis is facilitated by the introduction of
N Ra=Rlroliry Rp=r.+ Rg (13.8)
Applying KCL at the summing,junction gives
Vall/Ra + jo(Cp + Cy)l + @i + jwCs(vy — vo) =0
Letting i, = —v,/ Ry, rearranging, and solving for § = vn/vo gives, fora = 1,
1 - Re 1+ Jf/f,
B Ral+jflfp

where the zero and pole frequencies are

fo = 1 fo = 1
¢ 2JTRa(Cn+C,,, +C!) p= 27{RbCf

(13.9)

(13.10)

The |1/ 8] curve has the low-frequency asymptote 1/ 8y = Rp/ Ry, the high-frequency
asymptote 1/foo = | + (Cu + Cp)/Cy, and two breakpoints at f; and f,. While
fr and 1/Boo are relatively constant, f, and /8y depend on the operating current
as per Eq. (13.7), so they can vary over a wide range of values, as exemplified in
Fig. 13.3. The hardest condition to compensate is when ic is maximized, since this
minimizes 1/fg and maximizes fp, leading to the highest rate of closure. As a rule
of thumb,! Rg is chosen so that, when ic is maximized, 1/8g = 0.5 V/V and
fp = 0.5 fx, where f, is the crossover frequency.

EXAMPLE 13.1. [In the circuit of Fig. 13.2alet R = 10kQ2, I mV <v; <10V, C, +
C, =20pF, V4, =100V, rs = 2MQ, and f, = 1 MHz. Find suitable values for Rg
and C].

Solution. At the upper end of the range, where ic = (10 V)/(10kQ) = | mA, we
have r, = 26 2, r, = 100 k2, and R, = 9 kQ2. Imposing (26 + R:}/9000 = 0.5 gives
Rg = 4.47 kQ (use 4.3 k).

Next, find f; using the definition la(jf,)| x B = L. Letting la(if )| = fi/f:
andusing 1/B = 14+ (Cy + C,.)/Cy weget f, = f/[1+ (G, + C,)/ Cy). Imposing
Jp = 0.5 f, and simplifying, we finally obtain
C = I +(Ca +CL)/Cs

! n Rbﬁ
Substituting the given parameter values, along with R, = 4.3 kR, gives C; = 90 pF
(use 100 pF).

Figure 13.3 indicates that at low values of v, the response is dominated by f)p,
thus resulting in slow dynamics. This is not surprising, since at low current levels
it takes longer to charge or discharge the various capacitances. Al low currents
we have r. > Rg, so fp = 1/2nr,Cy, indicating a time constant 1 = r,Cy; =
(Vr/lc)Cy = (Vr/v;)RC{. For instance, with Cy = 100 pF, at Ic = | nA we
have v = (0.026/10~%)10~ ' = 2.6 ms, s0 we must be prepared for slow dynamics
near the low end of the range.

dB

0 - f (Hz)
104 10’ / IO\
10w =10V
FIGURE 13.3
Bode plots for the transdiode circuit of Exam-
ple 13.1.
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Practical Log/Antilog Circuits®

Both the output scale factor and the input reference term in Eq. (13.5) depend
on temperature. The circuit of Fig. 13.4 overcomes this serious drawback by us-
ing a matched BIT pair to eliminate /;, and a temperature-sensitive voltage di-
vider to compensate for TC(Vr). The op amps force the BJTs to develop vgg; =
Vr In(iz/I51) and vggs = V7 In(Jrgp/152), where Ipgr = VRer/R,. By the volt-
age divider formula, vz = vo/(1 + R2/R1). But, by KVL, vz, = vgm —
vae) = Vr In({IRer/1s2)(Us1/i;)]. Eliminating v g7 and using the property Inx =
2.303 log g x, we get

vo =V, mgmi‘r’T (13.11)
i

Ri(T)+ Ry VRer I

e A A Yl
For matched BJTs Js3/1sy = 1, so we get the temperature-independent expression
I; = Vggr/R,. Moreover, for R, 3> Ry, we can approximate V, = —2.303R,;Vr/
R (T), indicating that V, can be thermally stabilized by using a resistance R (T)
with TC(Ry) = TC(Vr) = 1/T = 3660 ppm/°C. A suitable resistor is the Q81
(Tel Labs), which must be mounted in close thermal coupling with the BIT pair. The
function of Dy is to protect the BITs against inadvertent reverse bias. The use of the
LT 1012 picoampere-input-current, microvolt-offset, low-noise op amp (Linear Tech-
nology) allows for a voltage-logging range of 4% decades. With the given component
values, Vo = —~1 V/dec and [; = 10 uA, so vo = —(1 Videc) log,qlvy /(0.1 V)].
Vo and I; are calibrated via R; and R;.

If the input reference current [; is allowed to vary, the log amp is called a log ratio
amplifier and finds application in wide-dynamic-range ratiometric measurements
where the unknown signal is measured against a reference signal that is itself variable.
Typical examples are absorbance measurements in medicine and pollution centrol,
where light transmitted through a specimen is measured against incident light, and the
result must be independent of incident light intensity. This application is illustrated

Vo = -2.303 (13.12)

LM394

FIGURE 13.4
Logarithmic amplifier.

Log ratio amp
it
— @ 2,
N l F[—V_SIZ_‘ p o,
= ~ = Ry
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Source irer| < % R(T)
—
Angr T
i .,

FIGURE 13.5 .
Log ratio amplifier for absorbance measurements.

in Fig. 13.5, where frequency compensation and reverse-bias protection have been
omitted for simplicity. The transmitted light A; and the incident light AgrgF are
converted to the proportional currents i; and iggF by a pair of matched photodiodes
operating in the photovoltaic mode. Then, the circuit computes the log ratio vp =
Vo logyo(is/irer) = Vo log o(A; /AREF), where V, is given by Eq. (13.12).

Figure 13.6 shows how the log amp can be rearranged to implement an expo-
nential amp. It is left as an exercise for the reader (see Problem 13.4) to prove that
the circuit gives

ip = I,10"/ Y (13.13)
VRer _ In R+’
= 32 y= 230307 2y 13.14)
lo=2->1, ¥ ra T ¢

With the given component values, /, = 0.1 mA and V; = —1 V/dec. It is important
that the collector of 9 be returned to a 0-V node, such as the virtual-ground node
of the I-V converter OA3, in order to nullify the collector-base leakage current of
5. Otherwise, this current may degrade log conformity at the low end of the range.

' LM3%4
Ve R = a o oo R
i5v - z: 2
10kQ 69.8 k2 10.0kQ
33pF +
LM329 ™ 220 >
695V OA, AN OA,
+ Ry + Yo
L LF411 | LTI012
IN914 ‘E R(D v

FIGURE 13.6
Antilog amplifier.
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Log, log-ratio, and antilog amplifiers are available in IC form from various
manufacturers (Analog Devices, Burr-Brown, Harris). These devices usually work
over a six-decade cyrrent range (1 nA to | mA) and a four-decade voltage range
(1 mVio 10 V).

True rms-to-dc Converters

The logarithmic characteristics of BJTs are also exploited to perform a variety of
slide-rule-like analog computations. A popular example is true rms-to-dc conversion,

defined as
- T 1/2
Vems = (-/ vz(l)d!) (13.15)
T jo

Vrms gives a measure of the energy content of v{t), so it provides the basis for accu-
rate and consistent measurements, especially in the case of ill-defined waveforms,
such as noise (electronic noise, switch contact noise, acoustical noise), mechanical
transducer outputs (stress, vibration, shock, bearing noise), SCR waveforms, low-
repetition-rate pulse trains, and other waveforms carrying information on the average
energy generated, transmitted, or dissipated.

Equation (13.15) can be mechanized by performing the operations of squaring,
averaging, and square rooting. Referred to as explicit rms computation, this scheme
places severe demands on the dynamic output range of the squarer, which must
be twice as wide as the input range. This drawback is overcome by implicit rms
computation, in which the gain of the squarer is made inversely proportional 0 Vins
to make the output dynamic range comparable to the input range.

A common implementation of this principle is shown in Fig. 13.7, where fre-
quency compensation and reverse-bias protection have been omitted for simplicity.

c
T
m
R
W Wm"ﬂ*—w—**
R
R I3 R2 N 170 Vo
—A W -
| oa
WD) D, L = R:f
P 4
= - b 2 ‘———ﬁt

FIGURE 13.7
True rms converter.

OA) and the associated circuitry convert v(t) to a full-wave rectified current ic) =
v/ R flowing into Q. By KVL, vgg1 + vgga = vpE1 +vBE2. or Vr In[(ic3/1,3) x
(ica/ls4)) = VrInlticy/I51) x (ic2/152)). Assuming pairwise matched BJTs and
ignoring base currents so that icy = icy, we get

Substituting i%l =vI/R? and icy = Vims/ R gives
V2
RVims
indicating that the scale factor of the squaring function is controlled by Vs, as
expected of implicit computation.

OA;3 forms a low-pass filter with cutoff frequency fy = 1/27 RC. For signal
frequencies sufficiently higher than fo, OA3 will provide the running average of
ic3 a8 Vans = Ric3 = v2/ Vis. Making the approximation Vs = Vyms, we can
writeV,2,s = vZ, or

ic3=

Vems = (v2)!/2 (13.16)

As a consequence of the approximations made, Vims of Eq. (13.16) will differ
from the ideal Vis of Eq. (13.15) by an average (or dc) error as well as an ac (or
ripple) error. Both errors can be kept below a specified limit by using a svitably large
capacitance." However, 100 large a capacitance will increase the response time of
the circuit, so a compromise must be reached. An effective way of reducing ripple
without unduly lengthening the response is to use a post filter, such as a low-pass
KRC type.

The structure of Fig. 13.7 (or improved variations thereof) is available in IC
form from various manufacturers. Consult the literature? for useful application tips.

i

13.2
ANALOG MULTIPLIERS

A multiplier produces an output v proportional to the product of two inputs vy
and vy,

vo = kvyvy 347

where k is a scale factor, usuaily 1/10 V=1, A multiplier that accepts inputs of either
polarity and preserves the correct polarity relationship at the output is referred to as
a four-quadrant multiplier. Both the input and output ranges are usvally from —10 V
to +10 V. By contrast, a two-quadrant multiplier requires that one of its inputs be
unipolar, and a one-quadrant multiplier requires that both inputs be unipolar,
Multiplier performance is specified in terms of accuracy and nonlinearity. Ac-
curacy represents the maximum deviation of the actual output from the ideal value
predicted by Eq. (13.17); this deviation is also referred to as the total error. Nonlin-
carity, also referred to as linearity error;, represents the maximum output deviation
from the best-fit straight line for the case where one input is varied from end to
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end while the other is kept fixed, usually at +10 V or —10 V. Both accuracy and
nonlinearity are expressed as a percentage of the full-scale cutput.

Muitiplier dynamics are specified in terms of the small-signal bandwidth, rep-
resenting the frequency where the output is 3 dB below its low-frequency value,
and the /% absolute-error bandwidth, representing the frequency where the output
magnitude starts to deviate from its low-frequency value by 1%.

Variable-Transconductance Multipliers

Monolithic four-quadrant multipliers utilize the variable-transconductance principle’®
to achieve errors of fractions of 1% over small-signal bandwidths extending well into
the megahertz range. This principle is illustrated in Fig. 13.8a. The block uses the dif-
ferential pair Q3-Q4 to provide variable transconductance, and the diode-connected
pair Q-Q to provide the proper base drive for the former. The following analysis
assumes matched BITs and negligible base currents.

By KVL, vy + vBE4 — vBE3 — vBE2 = 0, Of vBE3 - vBE4 = VBEY — VEE2.
Using the logarithmic v-i characteristics of the BJTs, this can be expressed as

VrIn(ia/is) = VrIn(iy/iz), or ,

i3 _ i

ig - i
Rewriting as (i3 — ig)}/ (i3 + ig) = (i) — &2}/Gi1 + i2) gives
iy —ia = (i1 —d2) x (i3 + ig)

’ i+ iz
indicating the circuit’s ability to multiply the current difference (i; — i3) by the total
emitter current (iy + iq).

To be of practical use, the circuit requires two V- converters to synthesize the

terms (i} —i2) and (i3 + i4) from the input voltages vy and vy, and an I-V converter
to convert (i3 — i4) to the output voliage v . Moreover, provisions must be made to

(13.18)

Q@ Q.
\ 4 i i
o T N A I
XIO—KQ] 1273
a & O3 R,
X0
(¥ ) Ix
i i i+
!o& &oz ? ‘o‘ Vee
(a) »

FIGURE 13.8
Linearized transconductance block, and differential V-1 converter.

ensure four-quadrant operation; as is, the circuit is only two-quadrant because the
current (i3 + i4) must always flow out of the emitters.

Figure 13.8b shows the circuit used to provide V-I conversion. By KCL, i) =
Ix +ig andiz = Iy —ip,, where ig, = (vg1 — vE2)/R, is the current through
Ry, assumed to flow from left to right. Consequently,

VEl — VE2
Ry

ByKVL,vg|—vg2=(vx,~vBE1) —(vx,—vBE2) = (vX,—VX,) — (VBEI —VBE2),OF

i|—ip=2

i
VE| — VE? = VX, — VX, — VTI"E

Combining the two equations gives *

2V i
_T In !l
Ry 2

In a well-designed multiplier the Jast term is on the order of 1% of the other two, so
we can ignore it and approximate

2
i1 —iz= R—(V)‘rI —-vx,) — * (13.19)
x

2
if—h= E_(vx' —vx,) (13.20)
x

indicating the circuit’s ability to provide differential V-I conversion.
Figure 13.9 shows the complete multiplier. Four-quadrant operation is achieved
by using two transconductance pairs with the bases driven in antiphase and the

R RS Ré

@ 4} [N ’-KQL‘ Qs

i

1

I

1
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|

1

'
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]

|

; j i

(2] [ X, 2y Qo r—°"1 (2] Qu Z
Mg

R R R,
’ -»——P«i p——N—2
-0 X; orn %
:,dP Iy l.(? ly(P szP (¢ i
Vee

FIGURE 13.9
Four-quadrant analog multiplier.
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emitters driven by a second V-I converter. Substituting Eq. (13.20) into Eq. (13.18)
and using the identities i + i; = 2Ix and i3 + iy = iy, we obtain

iy - iy = g
Ryly
Likewise, using the identity i5 + /g = i1p, we obtain
i —is = XL My
R,r Iy

Subtracting the first equation from the second pairwise and using ijp — iy =
(2/Ry)(vy, — vy,), we obtain

(vx, —vx,)(vy, — vy}
RcR,Ix /2

The output /-V converter is made up of the op amp and a third V-/ converter
in its feedback path, namely, Q;-Qj2. By KVL, the voitages at the inverting and
noninverting inputs are vy = Voo —=R(ig+Hig+iy ) andvp = Vec— R(i3+is+iy2).
The op amp will provide Q12 with whatever drive it takes to make vy = vp, or
ig +ig+ i =i3+is5+iyp, thatis,

(ia +ig) — (i3 is) =

2
Ug+ig) = (3 +is) =iz —in = vz, = vz,)
4

Combining the last two equations, we finally obtain

vz, - vz, =klvyx, —vx,)(vy, —vy,) (13.21)
R,

= 13.22

R.R,Ix (13:22)

Most multipliers are designed for k = 1/(10 V). Letting vop = vz, — vz,,vx =
VX, — Vx,. and vy = vy, — vy, gives Eq. (13.17).

One of the main causes of linearity error is the logarithmic term of Eq. (13.19).
This error is, to a first approximation, compensated for by introducing an equal but
opposite nonlinearity term via the V-I converter Q1-Q)2 inside the feedback path.
The architecture of Fig. 13.9 forms the basis of a variety of monolithic multiplicrs.
Two of the earliest and most popular examples are the AD534 (Analog Devices)
and MPY 100 (Burr-Brown). The AD534L version has a maximum pretrimmed total
error of 0725%, a maximum linearity error of §.12%, a typical small-signal bandwidth
of 1 MHz, and a typical 1% amplitude error bandwidth of 50 kHz.

»

Multiplier Applications

Analog multipliers find application in signal modulation/demodulation, analog com-
putation, curve fitting, transducer linearization, CRT distortion compensation, and
a variety of voltage-controlled functions.!-6

Figure 13.10 shows the basic connection for signal multiplication, or vg =
v1v2/10. As such, it forms the basis of amplitude modulation and voltage-controlled
amplification. When either input is zero, v should also be zero, regardless of the
other input. In practice, because of slight component mismatches, a small fraction

Vo

w%w

15V =
470kQ2
50 k2
1x0
-15V
FIGURE 13.10

Basic multiplier connection for vg = v v3/10. If followed by a low-pass
filter, it can be used for phase detection.

of the nonzero input will feed through to the output, causing an error. In critical
applications such as suppressed-carrier modulation, this error can be minimized by
applying an external trim voltage (+30-mV range required) to the X or the Y5 input.

Of particular interest is the case in which the inputs are ac signals, or vy =
V) cos(wyf + 8)) and v = V5 cos(wyt + &), for then their product is, by a well-
known trigonometric identity

vy V-
vo = —;63{005[@1 ~ Wt + (8] — 8)] + cosf(w) + wa)t + (6 + 62))])

indicating that v consists of two components, with frequencies equal to the sum
and the difference of the input frequencies. If the input frequencies are the same and
the high-frequency component is suppressed with a low-pass filter, as shown, then
we get
vo = -V—lﬁ cos(@) — &) (13.23)
20 ,
In this capacity, the circuit can be used in ac power measurements or as a phase
detector in phase-locked-loop circuits.
Figure 13.11 shows how a multiplier can be configured for two other popular
functions, namely, analeg division and square-root extraction. In Fig. 13.11a we

E,__.I:r
[

s

vg=10(v/v))
(a) )]

FIGURE 13.11
Analog divider and square-roater.
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have, by Eq. (13.21), 0—v3 = (v{ —0)(0—v¢)/10,0rv g = 10(v2/v|). To maximize
the denominator range, return the X7 input to a trimmable voltage (4:3-mV range
required).

In Fig. 13.11b we have 0 — v; = (vp — 0)(0 — v0)/10, orvp = /TOv;. The
function of the diode is to prevent a latching condition, which could arise in the event
of the input inadvertently changing polarity. Additional applications are discussed
in the end-of-chapter problems.

133
OPERATIONAL TRANSCONDUCTANCE AMPLIFIERS

An operational transconductance amplifier (OTA) is a voltage-input, current-output
amplifier. Its circuit model is shown in Fig. 13.12a. To avoid loading effects both
at the input and at the output, an OTA should have z4 = z, = 60. The ideat OTA,
whose circuit symbol is shown in Fig. 13.12b, gives ig = gmvp, or

io =gm(vp —VN) (13.24)

where g, is the unloaded transconductance gain, in amperes per volt.

In its simplest form, an OTA consists of a differential transistor pair with a
current-mirror load.” We have encountered this configuration when studying op
amp input stages, in Chapter 5. In the bipolar example of Fig. 5.1 the OTA consists
of the Q-Q7 pair and the 03- Q4 mirror; in the MOS example of Fig. 5.8 it consists
of the M;-M3 pair and the M1-M; mirror.

Besides serving as building blocks for other amplifiers, OTAs find applica-
tion in their own right. Since it can be realized with just one stage and it operates
on the principle of processing currents rather than voltages, the OTA is an inher-
ently fast device.? Moreover, 2m can be varied by changing the bias current of
the differential transistor pair, making OTAs suited to electronically programmable
functions.

(@) &)

FIGURE 13.12
Operational transconductance amplifier: (a) equivalent circuit and
(b) ideal model.

gm-C Filters

A popular OTA application is the realization of fully integrated continuous-time
filters, where OTAs have emerged as viable alternatives to traditional op amps.”?
OTA-based filters are referred to as gm-C filters because they use OTAs and capac-
itors, but no resistors and no inductors. A popular gp,-C filter example is shown in
Fig. 13.13a. Its analysis proceeds as follows.

B

vi(H)

@) (2]

FIGURE 13.13
Second-order g,-C filter and its RLC equivalent.

By Eq. (13.24), I} = gm1(Vi — VBp), 12 = gm2VLP, and I3 = —gm3Vpp. By
Ohm’s law, Vip = (1/sC2) 13 and Vpp = (1/sC )1} + 7). Combining, we get

Ve _ 5C28m1/8m28m3 13.25)
- == 3.
Vi $°CCo/gm28m3 +5C28m1/8m28m3 + 1

It is readily seen that this transfer function is the same as that of the RLC equiva-
lent of Fig. 13.13b, provided C = Cy, R=1/gm;, and L = C2/gm28m3- Evidently,
&m1 simulates a resistance, whereas the combination gm2-gm3-C2 simulates an in-
ductance. Moreover, the circuit provides Vgp and Vi p simultaneously, a feature
not available in its RLC counterpart. What is even more important is that we can
automatically tune fg by varying gm2 and gn3, and tune Q by varying gm).

EXAMPLE 13.2. (a)Inthe filter of Fig. 13.13afind g and gz = gm3 for wy = 10° rad/s
and Q =5 with C; = C; = 100 pF. () What are the values of the simulated resistance
and the simulated inductance? {c) The sensitivities of the filter?

Solution.

(a) By inspection, wy = +/Bm28m3/C1C2 and Q = /T1/C1 X /Zm28m3/gm1. Substi-
tuting the given data, we get gm1 = gm3 = 10 pA/V and gm) = 2 uA/V.

(b) R =500k,and L =1 H.

(¢) The sensitivity of @ with respect to gm is —1: all other sensitivities are either % or
— 3. which are fairly low.
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Off-the-Shelf OTAs

Figure 13.14 shows a popular OTA available as an off-the-shelf IC. Its heart is the
linearized transconductance multiplier made up of D|-D; and @3- Q4. The remain-
ing blocks, each consisting of a BJT pair and a diode, are high-output-impedance
current mirrors of the Wilson type. Denoting the collector current of transistor 0
as iy and ignoring base currents, we can describe circuit operation as follows.

FIGURE 13.14
Bipolar OTA.

The rpirror Q)-D3-Q7 accepts the external control current /¢ and duplicates it
at the emitiers of the Q3-Q4 pair to give

i3t+ig=Ic
. - - . £] .
The mirror Qs-Dy-Qs duplicates i3 to yield ig = i3, and the mirror Q7-Ds-Qg
‘_1upl|c?tes igtoyieldig = ig, soig = i3. Likewise, the mirror Q9-Dg-Q 19 duplicates
ia to yield i1p = i4. Consequently, KCL givesip = ijg — ig, or
io=1i4—i1
Retracing the reasoning of Section 5.1, we can write

io=lcmnth—2%:—~

where Vr is the thermal voltage. As we know, this is a nonlinear characteristic,

which, for |[vp — vy| « 2V7r, can be approximated as
Ie
0 = —— - 13.26
) vy (vp —vN) ( )

indicating that g, = Ic/2Vr.
To accommodate applications requiring a wider linear range at the input, the
linearizing diode network of Fig. 13.15 is used. Applying Eq. (13.18), we can write
iz — i)
is + iy

ip=i4—iy=

With v; = v, the bias current provided by Rj splits evenly between D) and Ds,
giving ia — i) = 0. Moreover, we can write iz + i) = I, = (Vcc — Vp)/IR3y +
(R1 Il R2)/2] = 1.08 mA, where we have assumed Vi = 0.7 V. Making v) # v2
wil! unbalance the two halves of the input network and divert a greater portion of
IR, toeither Dy or Dy, depending on the imbalance direction. The voltage variation
at the anodes is designed to be negligible compared to Ve over an input range
of more than 10 V, so0 i3 + i) can be assumed to be constant. Using simple KCL
reasoning, we find that Iz, is completely diverted from one diode to the other when
Ivi —val S (R + R ik, = 113V Camsequently, for vy —va| < 11.3 V we have
iz — i = (v — v2)/(L1.3 k§2). Substituting into the above equation, along with
iz + i} = 1.08 mA, we obtain

ig = gm(v) —v2) (13.27a)
~ lc
&= oy (13.27b)

The scale factor of approximately 1/(12.2 V} allows for operation over the range
—10 V < (v; - v2) < 10 V with negligible linearity error and no fear of saturation.
Popular OTAs of the type shown are the LM13600 (National Semiconducter) and
NES517 (Signetics). The CA3080 (Harrig) comes without the input diodes.

g Y

R

10k 0kQ
v R,‘To.sm k,?usm v

FIGURE 13.18
Input tinearization network,
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Applications with Off-the-Shelf OTAs

Though OTA data sheets propose quite a variety of useful applications, we shall
examine a few representative ones, namely, voltage-controlled amplifiers, filters,
and osciltators (VCAs, VCFs, and VCOs).

Vi

172 EM13600

FIGURE 13.16
Voltage-controlled amplifier with linear control.

Figure 13.16 shows a basic VCA (note the alternative symbol for the OTA). Here
OA| and Q) form a V-7 converter to provide /¢ = Vc/R, where we are assuming
the base current of Q) to be negligible. OA; converts i to a voltage v, and since
ip is proportional to the product /¢ x vy, the final result is vp = Avy,

A=kVc (13.28)

where k is a suitable proportionality constant, in V='. The 1-k§2 pot is used for
offset nulling, and the 25-k$2 pot for the calibration of k. By Eq. (13.27), adjusting
the 25-kQ pot near 12.2 k2 yields k = 1/(10 V), indicating that varying V¢ from 0
to 10 V will change A from O to 1 V/V. The circuit is calibrated as follows: (a) with
vy = 0, sweep V¢ from 0 to 10V, and adjust the 1-kQ2 pot for the minimum deviation
of vp from 0 V; (b) with V- = 10 V, adjust the 25-k2 pot so that vg = 10 V for
vy =10V.

The circuit of Fig. 13.16 provides linear gain control. Audio applications often
call for exponential control, or

A = Agh*¥e (13.29)

where b is usuaily either 10 or 2, k is a proportionality constant in decades or octaves
per volt, and Ay is the gain for V¢ = 0. Exponential control is readily achieved by
generating Ic with an antilog converter, as shown in Fig. 13.17. Since /¢ must be
sourced to the OTA, the BJTs must be of the pnp type. With V¢ = 0, the circuit
gives Ic = | mA; increasing V- decreases /- exponentially with a sensitivity of k
dec/V or k oct/V, with k being set by R».

. 4

IN914 2210
l =“ vw \ &
Ry L/ I
& 47]
Ve(* Ry(™) ADS21 - [

-
LM385 -15v
25V

FIGURE 13.17
OTA with exponential control.

OTA-based VCFs and VCOs rely on the integration of the OTA’s output current
using a capacitor. The example of Fig. 13.18 uses also an op amp lo provide low output
impedance. Writing Vo = (—1/5sC)l, = (—1/sC) x {Ic/(122 V)] x (V2 — W),
and letting s = j2x f, we obtain

1 Ic
o= FmM Y o= mmane
The circuit integrates the difference V; — V2 with a programmable unity-gain fre-
quency fp. For instance, varying /c from 1 A to 1 mA with C =652 pF will
sweep fo over the entire audio range, from 20 Hz to 20 kHz. I¢ can be generated
either with a linear V-1 converter, as in Fig. 13.16, or with an exponentiai converter,
as in Fig. 13.17.

The circuit of Fig. 13.19 uses two OTA-based integrators to implement a state-
variable topology of the type of Fig. 4.37. The output current of the V-/ converter,
which can be controlled either linearly or exponentially, is split between the two
OTAs by the suitably biased AD821 matched BIT pair.

(13.30)

10kQ

FIGURE 13.18
Current-controlled integrator.
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FIGURE 13.20
Current-controlled relaxation oscillator.

o,/

Applying Eq. (13.30), we get Vap = (V; — Vpp/Q — Vip)/(if /fo) and Vip =
Vep/(jf/fo)- Combining, we obtain
Vep Vir
= H; — = H 13.31
m QO Hgp m Lp (13.31)

where Hpp and Hy p are the standard second-order band-pass and low-pass functions
defined in Section 3.4, and

VLTI 4

fo= ——¢
0= (22 v)C

If a resonance gain of unity is desired, then increase the 10-k2 input resistance by a
factor of Q. To reduce Q-enhancement effects, follow the directions of Section 6.5
and use a small phase-lead capacitor in parallel with the 10-k<2 interstage resistance.

In the circuit of Fig. 13.20 the OTA is used to source/sink a current of value I¢c,
and thus charge/discharge C at a programmable rate. The resulting triangle waveform

i alternates between 5 V and 10 V, the thresholds of the high-input-impedance CMOS
g % timer. The frequency of oscillation is (see Problem 13.16),
e 3 Ic
E h=10n (13.32)
g As usual, I¢ can be controlled either linearly or exponentially. If the triangular wave
-‘:‘ is used, a buffer amplifier may be required.
=%
2
ol 134
u ¥ PHASE-LOCKED LOOPS
U -
S

A phase-locked loop (PLL) is a frequency-selective circuit designed to synchronize
with an incoming signal and maintain synchronization in spite of noise or variations
in the incoming signal frequency. As depicted in Fig. 13.21, the basic PLL system
comprises a phase detector, a loop filter, and a voltage-controlled oscillator (VCO).

The phase detector compares the phase 6; of the incoming signal v; against
the phase 8¢ of the VCO output v, and develops a voltage vp proportional to
the difference 6; — 6¢. This voltage is sent through a low-pass filter to suppress
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Phase VD Loop
vi (@087 detector filter i
Voltage-
vp (@ 6p) controlled
oscillator

FIGURE 13.21
Basic phase-locked loop.

high-frequency ripple and noise, and the result, called the error voltage v, is applied
to the control input of the VCO to adjust its frequency wo.

The VCO is designed so that with vg =0 it is oscillating at some initial
frequency wy called the free-running frequency, so its characteristic is

wo(t) = wg + Kovg(D) (13.33)

where K, is the sensitivity of the VCO, in radians-per-second per volt. If a periodic
input is applied to the PLL with frequency «ty sufficiently close to the free-running
frequency wy, an error voltage vg will develop, which will adjust wg until vp
becomes synchronized with vy, that is, until for every input cycle there is one, and
only one, VCO cycle. At this point the PLL is said to be locked on the incoming
signal, and it gives wp = w; exactly.

Should @y change, the phase shift between vo and vy will start to increase,
changing vp and, hence, the control voltage vg. This change in v is designed to
adjust the VCO until wg is brought back to the same value as wy . This self-adjusting
ability by the feedback loop allows the PLL, once locked, to track input frequency
changes. Since a change in w; is ultimately reflected by a change in vg, we use vg
as the output of the PLL whenever we wish to detect changes in wy, as in FM and
FSK demodulation.

A PLL can be designed to lock on the incoming signal in spite of noise that might
afflict such a signal. A noisy input will generally cause the phase-detector output
vp to jitter around some average value. However, if the filter cutoff frequency is
low enough to suppress this jitter, v g will emerge as a clean signal, in turn resulting
in a stable VCO frequency and phase. We thus use wg as the output of the PLL
whenever we wish to recover a signal buried in noise, and also in frequency-related
applications such as frequency synthesis and synchronization.

Lock and Capture

To develop a concrete understanding of PLL operation, consider the case of phase
detection being accomplished with a balanced mixer of the type discussed in Sec-
tion 13.2. As we know, the mixer output contains the sum and difference frequencies
wr + wp. When the loop is locked, the sum is twice w; and the difference is zero,
or dc. The low-pass filter suppresses the sum but passes the dc component, which
thus keeps the loop in lock.

If the loop is not locked, and if the difference frequency falls above the cutoff
frequency of the filter, it will be suppressed along with the sum frequency, leaving
the loop unlocked and oscillating at its free-running frequency. However, if wo is
sufficiently close to w; to make the difference frequency approach the filter band
edge, part of this component is passed, tending to drive wg toward w;. As the
difference wg — wy is reduced, more error signal is transmitted to the VCO, resulting
in a constructive effect that ultimately brings the PLL in lock.

The capture range is the frequency range + Awc, centered about wy, over which
the loop can acquire lock. This range is affected by the filter characteristics, and gives
an indication of how close w; must be to wy to acquire lock. The lock range is the
frequency range £ Awy, also centered about wyg, over which the 1oop can track the
input once lock has been established. The lock range i affected by the operating range
of the phase detector and the VCO. The capture process is a complex phenomenon,
and the capture range is never greater than the lock range.

The time it takes for a PLL to capture the incoming signal is called lhe capture
time or pull-in time. This time depends on the initial frequency and phase differences
between v; and v, as well as the filter and other loop characteristics. In general, it
can be said that reducing the filter bandwidth has the following effects: (a) it slows
down the capture process, (b) it increases the pull-in time, (c) it decreases the capture
range, and (d) it increases the interference-rejection capabilities of the loop.

The PLL in the Locked Condition

When in the locked condition, a PLL can be modeled'®2 as in Fig. 13.22. This
diagram is similar to that of Fig. 13.21, except that we are now working with Laplace
transforms of signal changes (symbolized by lowercase letters with lowercase sub-
scripts) about some operating point, and operations on these changes, both of which
are generally functions of the complex frequency s. The phase detector develops the
voltage change

va(s) = Kqba(s) (13.34a)
B4(s) = 8;(s5) — B,(s) (13.34b)

]
whiere K is the phase-detector sensitivity, in volts per radian. This voltage is sent
through the loop filter, whose transfer function is denoted as F(s), and possibly

FIGURE 13.22
Block diagram of the basic PLL system in the locked condition.
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an amplifer with gain K, in volis per volt, to produce the error-voltage variation
ve(s). This, in wm, is converted to the frequency variation wofs) = Kove(s), by
Eq.(13.33). _

Since the phase detector processes phase, we need a means for converting from
frequency to phase. Considering that frequency represents the rate of change of
phase with time, or @ = d(t)/d1, we have

1
8() = 6(0) + [0 wlg) dt (13.35)

indicating that frequency-to-phase conversion is inherently an operation qf in!egra-
tion. Exploiting the well-known Laplace transform property that integration in the
time domain corresponds to division by s in the frequency domain, we us¢ the 1/s
blocks shown.

If we were to open the loop at the inverting input of the phase comparator, tt!e
overall gain experienced by 8; (s) in going around the path and emerging as 8,(s) is
Kqg x F(s) x Kg x Ko x /s, 0r

F(s)

T(s) =Ky (13.36)
Ky = KiKaKo (1337

where T(5) is the open-loop gain, in radians per radian, and K, is called the gain
facter, in s~ 1. With the loop closed, we readily find

6(s) T(s) _ K,F(s)
6is) 1+T(s) s+K.F@)

H{s) = (13.38)

Other transfer functions may be of interest, depending on what we consider as input
and output. For instance, substituting 6;(s) = wi(s}/s and 8, = (Kp/s)ve(s), we
readily get

vels) 1

= 13.39
wi(s) Ko He) ( )

which allows us to find (he voltage change v{s) in response to an input frequency
change w;(s), as in FM and FSK demodulation.

Comparing Fig. 13.22 with Fig. 1.21, we observe that a PLL is a negative-
feedback system with x; = 6; axs = 6o, and af = T = K, F(s)/s, indicating that
the open-loop gain T plays also the role of the loop gain of the system. Further, even
though we are more attuned to frequency, we must recognize that the natural input of
aPLL is phase. Since T — oo ass — 0, the PLL will force 6, to track 6;, just as an
op amp voltage follower forces v, to track v;. In this respect, it pays to view a PLL
as a phase follower. The fact that it also forces wo to track wy is a consequence of
this phase-follower action, along with the phase-frequency relationship w = d6/dt.

As seen in Chapter 8, the loop gain T affects both the dynamics and the stability
of the PLL. In turn, T(s) is strongly influenced by F(s). We make the following
observations; (@) The number of poles of H (s) defines the order of the loop, (b) the
number of 1/s terms (or integrations) present within the loop defines the ype of a

loop. Because of the 1/s function associated with the VCO, a PLL is at least Type I,
and its order equals the order of the filter plus 1.

First-Order Loop

Consider the instructive case in which there is no loop filter, or F(s) = 1. The result s
a first-order loop, and the above equations simplify, after the substitutions — jw, as

T(jw)= (13.40)

1
jo/K,
vetjiw) _ _ 1/Ko
wi(jo) 1+ jo/K,
Equation (13.40) indicates a Type I loop with crossover frequency w, = K, and
phase margin ¢, = 90°. Equation (13.41) indicates that the loop inherently pro-
vides a first-order low-pass response with a dc gain of 1/ K, V/Arad/s) and a cutoff
frequency of Ky rad/s.

If w;(s) is a step change, the resulting change v.(t) will be an exponential
transient governed by the time constant t = 1/K,. If w;(¢) is varied sinusoidally
with a modulating frequency @y, v.({f) will also vary sinusoidally with the same
frequency wy; its amplitude is Jve| = (1/K,)|w;] at low frequencies, and rolls off
with wy, at the rate of —1 dec/dec past K.

(13.4D)

EXAMPLE 133, A first-order PLL with K, = 10* 5! uses a VCO with a free-running
frequency of 10 kHz and a sensitivity of 5 kHz/V. (a) What is the control voltage
needed to lock the PLL on a 20-kHz input signat? On a 5-kHz input signal? (b) Find
the response v, (¢) if the inpul frequency is changed stepwise as f; = [10 + u(r)] kHz,
where u(1) = 0 for ¢ <0 and u{t) = t for 1 > 0. (c) Repeat if the input frequency is
modulated as f; = 10(1 + 0.1cos 27 f,.1) kHz, f. = 2.5 kHz.

Solution.

4
(a) By Eq. (13.33), vg = (wp — wy)/K,, where wy = 2 10* rad/s and K, = 27 x
$ x 10° = 1 10* (radisWV. For wg = 21 x 20 x 10° rad/s we getvg =2V, and for
wo =2 x5 x 10° rad/s wegel vg = ~1 V.
(b) The response to a step increase w; (1) = 2mwu(¢) krad/s is an exponential transient
with amplitude |o; (1)]/K, = 2x10*/10*x = 0.2 V, and time constant 1/K, =
1/10* = 100 us, so

Ve(t) = 02() — e /0B,y

(c) Now w;(r) = 2 x 10* x 0.1cos 2n f,t = 2w 10 cos 2 2500r rad/s. Calculating
Eq. (1341} at jw = jwy = j2r2500 rad/s gives

veljwa) 1/10°% _ 05370 R
o) ~ T4 2n2500/10° = 100, L2L3E V/(rd/s)

Letting w; (jwm) = 2 10° /0° rad/s gives v, (jwm) = 0.1074 /=57.52° V, s0
v (1) = 0.1074 cos(2x2500r — 57.52°) V

The'abscnce of a loop filter drastically limits the selectivity and noise-
suppression capabilities of a PLL, so first-order loops are seldom used in practice.
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Second-Order Loops

Most PLLs utilize a one-pole low-pass filter and are thus second-order loops. Such
a filter provides a flywheel-like function that allows the VCO to smooth over noise
and jumps in the input frequency. As seen in Chapter 8, the presence of a second
pole within the loop erodes the phase margin, so care must be exercised to avoid
instability. Second-order loops are stabilized by introducing also a filter zero to
counterbalance the phase lag due to the filter pole.

A popular loop filter is shown in Fig. 13.23a. Called a passive lag-lead filter, it
provides the transfer function

_l+s/w;
T 1+s/wp

where w; = 1/R2C and wp =1/(R) + R2)C. By Eq. (13.36), the loop gain is
now

F{s) (13.42)

1+ jw/w,
(o/Ky)(1 + jofwp)
indicating a second-order, Type I loop. This gain is plotted in Fig. 13.235 for the case
in which @, is positioned at the geometric mean of wp and Ky, ofr @; = Jw, K.
The crossover frequency is then w, itself, and the phase margin is 45° Also shown
for comparison is the loop gain of the first-order loop, or F(s) = 1.

T(jw) = (13.43)

|T| (aB)

1# order lcop

-20 dB/dec

[}
oy mz&\
b

o (dec)

FIGURE 13.23
Passive lag-lead filter, and magnitude plot of the loop gain T.

EXAMPLE 134. (a)Given a PLL system with K, = 10*s~!, specify a passive lag-lead
filter for a crossover frequency w, = 10* rad/s and a phase margin ¢ = 45° (b) What
are the actual values of w, and ¢, ?

Solution,

(a) For ¢, =45 we want w,=w,=10" radls, so w,=w/K,=10/10¢=
100 rad/s. Let C = 0.1 uF. Then, R; = 1 /w,C = 10kQ,and R, = 1/w,C — Ry =
90 kS2 (use 91 k§2).

(b) Using Eq. (13.43), along with the trial-and-error technique of Example 8.1, we find
the actual values w, = 1.27 krad/s, and ¢, = 180° + LT (j1.27 x 10%) = 56°.

I7] B)
R R € R R,
Vo
p p oV, o \- o (dec)
RGN
(@ - (b
FIGURE 13.24
Active PI filter, and magnitude plot of the loop gain 7. .

Another popular loop filter is the active PI filter of Fig. 13.24q, so called because
its output is proportional to the input as well as to the integral of the input. The
inverting stage OA; can be omitted by interchanging the phase-detector inputs, if
needed. Assuming ideal op amps, the filter gives

_1+s5/w,

F(s) (13.44)
s/wp
where @, = 1/R;C and wp = 1/R) C. The corresponding loop gain is
. 1+ jow/w,
T(jw) = ——a 12 (13.45)
U = GalKyGala)

indicating a second-order, Type Il loop. As shown in Fig. 13.24b, the slope is
~40 dB/dec below w,, and —20 dB/dec above w,. Imposing again w, = \/wpK,
gives wy = w; and ¢n = 45°

Compared to the passive filter, whose dc gain is F(0) = 1, the active filter gives
F(0) = oo, indicating that the phase error §p needed to sustain the contro] voltage
v g approaches zero when the PI filter is used. In practice, F (0) is limited by the finite
de gain of OA|; even so, 8p will still be vanishingly small, implying 8¢9 = 8;, or
phase coherence at the detector input. The use of the active filter also avoids possible
loading effects at the output.

Damping Characteristics

Additional insight is gained by substituting Eqs. (13.42) and (13.44) into Eq. (13.38),
and then expressing the latter in the standard form of Eq. (3.40). The results (see
Problem 13.20) are

(28 —ewn/KyXs/wn) +1

= 13.46a

H () = o2 + 2t am) 1 (13.462)
Wp @,

wn = JwpK, ;=E(|+ﬁ) (13.46b)
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for the passive lag-lead filter, and

2¢(s/wn) + |

H(s) = 1347

© (s/@n)? + 24 (s/wn) + 1 (13:47a)
W

wy = (JwpkK, = '20% (13.47h)

for the active Pl filter. As we know, w, is the undamped natural frequency, and ¢
is the damping ratio. If w, « Ky, as is predominantly the case, Eq. (13.46) reduces
to Eq. (13.47) and the PLL with the passive lag-lead filter is said to be a high-gain
loop. We observe that H(s} is in both cases a combination of the band-pass response
Hpp and the low-pass response Hyp. At low frequencies H — Hyp, but at high
frequencies H — Hpp. -

Recall that for { < 1 the step response exhibits overshoot. To keep the latter
within reason, it is customary to design for 0.5 < < 1. Under this condition, the
time constant governing the loop response to small phase or frequency changes is
roughly7

1

TE - (13.48)
Wn

and the loop bandwidth, obtained by imposing |H (jw)! = 1/1/2, ish?

w_sap =wnll £27+ /1 + (1 £ 20212

where the plus (minus) sign holds for high-gain (low-gain) loops.

(13.49)

EXAMPLE 135, (a) Find ¢, 7, and w_; gp for the PLL of Example 13.4. () Find the
response v, () to small input changes of the type w; = |aw; [u(f) and w; = |w;| COS Wm!,
wy = | krad/s.

Solution.

{a) By Eq. (13.46b), w, = /107 x 10° = | krad/s and { = [10%/2 x 10%)}(} +
10°/10%) = 0.55. Using Eq. (13.49) for the high-gain loop case gives w_3 45 =
1.9w, = 1.9 krad/s. By Eq. (13.48), t = 1/10° = | ms.

(b) Substituting the above data into Eq. (13.464) gives

_ 5/10° + 1
T /1002 + 1.1(s/10%) ¥ 1

This function has a complex pole pairats = —550 + j835 complex Np/s, indicating
a step response of the type

M(s)

ve(1) = %[1 — Ae™¥ co5(835¢ + ¢))
with A and ¢ suitable constants. Calculating H(s) at s = jw, as in Example 13.3,
we find the ac response as
eos |

K' 1.286 cos(10% — 45°)

Vel(t) =

+

Filter Design Criteria

In general, w, is chosen high enough to ensure satisfactory dynamics, yet low enough
to provide sufficient flywheel action for smoothing over undesired frequency jumps
or noise. A typical design process proceeds as follows: (a) first, choose wy to achieve
either the desired w_3 gg or the desired 1, depending on the application; (b) next,
using Eq. (13.46b) or (13.47b), specify wp, for the chosen wy; (c) finally, specify w,
for the desired ¢.

We observe that because of the filter zero, a second-order PLL acts as a first-
order loop at high frequencies, indicating a reduced ability to suppress ripple and
noise. This drawback can be overcome by adding a capacitance Cy « C in parallel
with R; in either of the above filters. This creates an additional high-frequency pole
and tums the loop into a third-order loop. To avoid perturbing the existing values of
w, and ¢, significantly, this pole is positioned about a decade above w, by imposing
1/RCy = 10w,.

EXAMPLE 136 Redesign the filter of Example 13.4 for w_ 345 = 1 kuad/s and { =
1/»/2. What are the new values of 7 and ¢,,? What value of C; would yield a third-order
loop without reducing ¢ too much?

Solution. With{ = I/\/E wegelw, = w.3qp/2 = 10°/2.0 = 500rad/s,sot = 2 ms.
Equation (13.46b) gives w, = 25 rad/s and w, = 366 rad/s, which can be realized with
C =1 uF, R =39k, and R; = 2.7 kQ. Proceeding as in Example 13.4, we find
w; = 757 rad/s, and ¢, = 66°. Use C; = C/10=0.1 uF.

13.5
MONOLITHIC PLLs

Monolithic PLLs are available in various technologies and in a wide range of perfor-
mance specifications. 2 [n the following we discuss the popular 4046 CMOS PLL
as a representative example. '

The 74HC(T)4046A CMOS PLL

Originally developed by RCA, the 4046 family of CMOS PLLs has gone through
a series of improvements, and presently includes the 74HC(T)4046A, the
T4HC(T)T046A, and the 74HC(T)9046A (Philips).'3 We select the 4046A version,
shown in simplified form in Fig. 13.25, because it includes the three most common
phase detector types, known as Type [ (PC)), Type Il (PC3), and Type 1l (PC3)
phase comparators. Since the circuit is powered from a single supply (typically
Vss = 0V and Vpp = 5 V), all analog signals are referenced to ¥pp/2,0r2.5 V.

The VCO

The VCO, whose detaits’-'? are omitted for brevity, is a current-controlled mul-
tivibrator operating on 4 principle similar to that of the emitter-coupled VCO of
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FIGURE 13.25
Simplified block diagram of the 4046A CMOS PLL.

Fig. 10.30. The current for the capacitor is obtained from the control voltage vg via
a V-I converter whose sensitivity is set by R and whose output is offset by R;. The
VCO characteristic is of the type

fo=—ve+ = (13.50)

where k| and & are suitable circuit constants. As shown in Fig. 13.26, the value of
fo corresponding to vg = Vpp/2 is called the center frequency fy. It is apparent
that if Ry is omitted (Rz = 00), the frequency offset foorry = k2/R2C becomes
zero. The maximum VCO frequency of CMOS PLLs is typically on the order of
10 MHz.

fo
fOlln.u)
fo
f(’(minh
- i 1
Soom 4eZ-- ', _______ :_ _______ : ________
t
|
! : ! Se1 by R,C
; | ! | 1
0 1 t t T Ve
0 VEwmm 0.5Vpp Veiman)  Vpp

FIGURE 13.26
VCO characteristic and terminology.

The VCO characteristic of Eq. (13.50) hotds only as long as vg is confined
within the range VE(min) < VE < VE(max)- For a 4046A PLL with Vpp = 5V, this
range is typically'? 1.1 V<vg <3.9 V. The frequency range corresponding to the
permissible range of v is calied the VCO frequency range 2 fg. Outside this range
the VCO charactetistic depends on the particular 4046 version, and it can be found
in the data sheets.

The VCO sensitivity is Ko = 2fR/l¥E(max) — VE(min)). In FM applications it
is usually required that the V-F characteristic of the VCO be highly linear in order
to minimize distortion. However, in such applications as frequency synchronization,
synthesis, and reconstruction the linearity requirements are less stringent.

The Type I Phase Comparator

The Type I phase comparator, depicted in Fig. 13.27a, is an exlusive-OR (XOR) gate.
This gate outputs vp = Vpp = 5 V whenever its input levels disagree with each
other, and v; = Vss = 0 whenever they agree. This is exemplified in the timing
diagram of Fig. 13.28, where the waveforms have been plotied as a function of w; .
1t is apparent that if we average out vp(r) by means of a low-pass filter, the result
is Vp = DVpp, where D is the duty cycle of vp. D is minimized when the inputs

(@) &)

FIGURE 13.27
Type 1 phase comparator, and its output average Vp as a
function of the input phase difference.
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FIGURE 13.28
Typical waveforms for the Type I phase comparator in the locked condition: 6p = /6 (left).,
Op = /2 (center), and 8p = (5/6)m (right).
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are in phase with each other, and maximized when they are in antiphase. If both
input waveforms have 50% duty cycles, as shown, then 0 < D < 1. Consequently,
PC) will exhibit the characteristic of Fig. 13.27b, and Ky = Vpp/n = S/n =
1.59 V/rad.

An altemnative implementation of the Type 1 comparator, especially in bipolar
PLLs designed to work with low-amplitude inputs, is a four-quadrant multiplier,
as discussed in Section 13.2. Also called a balanced modulator, the multiplier is
implemented with a scale factor high enough to ensure that vy will typically over-
drive tlt(l)e multiplier and thus render the sensitivity K4 independent of the amplitude
of v !

The Type | comparator requires that both inputs have 50% duty cycles; if at least
one input is asymmetrical (see Preblem 13.23), the characteristic will generally be
clipped, reducing the lock range. Another notorious feature of the Type I comparator
is that it may allow the PLL to lock on harmonics of the input signai. Note that if
vy is absent, vp oscillates at the same frequency as v, so the average of vp is
Vp =0.5Vpp, and wp = wy.

The Type I1I Phase Comparator

The Type 11l comparator, shown in simplified form in Fig. 13.29a, overcomes both of
the above limitations by using an edge-triggered set-reset (SR) flip-flop. As depicted
in Fig. 13.30, vp now responds only to the rising edges of v; and v, regardless
of the duty cycles. It is readily seen that the phase range of PC3 is twice as large
as that of PC|, so the characteristic is as in Fig. 13.29b, and K; = Vpp/2n =
0.796 V/rad.

The advantages of edge-triggering operation come at the price of higher sen-
sitivity to noise. An input noise spike may falsely toggle the flip-flop and cause
unacceptable output errors. By contrast, with a Type 1 comparator, an input spike is
merely transmitted to the output, where it is suppressed by the loop filter.

We observe that in the locked condition the output frequency is wp = 2w for
PC}, and wp = wy for PC3, so the ripple at the output of the loop filter is generally
higher with PC5 than with PC|. Note that with v; absent, PC3 will drive wg as low
as it can.

FF
Vo o—P R

(@ (b

FIGURE 13.29
Type 11l phase comparator, and its output average Vp as a
function of the input phase difference.
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FIGURE 13.30
Typical waveforms for the Type 11I phase comparator in the locked condition: ¢p =
n/4 (left), 8p = m (center), and 8y, = (7/4)x (right).

The Type I1 Phase Comparator

The Type 11 comparator differs from PC| and PC3 because its output depends not
only on the phase error 8; — 8¢, but also on the frequency error w; — wg when the
loop has not yet acquired lock. Also called a phase-frequency detector (PFD), the
circuit is shown in simplified form in Fig. 13.31a.

Yoo o~ p 0

. FF,
v _ )
T = v
0
Vop bo oo
cL
Yo o-b Vool }———~ !
A /0
FF, II |
1
v, ! !
00— D Q DN 0 | n e
- ¢ i
(a) )

FIGURE 13.31
Type 11 phase comparator, and its output average Vp as a function of the input phase difference.

With reference to Fig. 13.32, we observe that PC3 produces UP pulses when
the rising edge of v; leads that of v, DN pulses when the rising edge of v/ lags
that of vg, and no pulses when the leading edges are aligned. An UP pulse closes
the MOSFET switch M, and causes the filter capacitance C 1o charge toward Vpp
via the series Ry + R;. A DN pulse closes switch M, and discharges C toward
Vss = 0 V. Between pulses, both Mp and M,, are off, providing a high-impedance
state to the filler. When PC3 is in this state, C acts as an analog memory, retain-
ing whatever charge it had accumulated at the end of the last UP or DN pulse.
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FIGURE 13.32
Typical waveforms for the Type Il phase comparator for wp = w;: vo
lags v, (left), vq is in phase with v, (center), and v leads v, (right).

Clearly, we now have vp = vg = vc¢. The characteristic is as in Fig. 13.31b, with
K4 = Vpp/4m = 0.398 V/rad. For obvious reasons, PC3 is also called a charge-
pump phase comparaior.

To appreciate its operation, suppose we initially have @; > wg. Since v; gen-
erales more rising edges per unit time than v, UP will be high most of the time,
pumping charge into C and thus raising wg. Conversely, when w; < wg, DN is high
most of the time, pumping charge out of C and lowering wg. In either case, PC; will
keep pumping charge until the inputs become equal borf in frequency and in phase, or
wo = w; and 8 = §;. We conclude that PC, approaches ideal-integrator behavior.

Itis apparent that a PLL with a Type Il comparator will lock under any condition,
and that it drives the input-phase error to zero over the full frequency range of the
VCO. Moreover, since the UP and DN pulses disappear entirely once the loop is
locked, v will exhibit no ripple, so there are no unwanted phase modulation effects.
The main drawback of PC is its susceptibility to noise spikes, just like PC4. Even
o0, PC; is the most popular of the three PCs. Note that with v, absent, PC; will
drive wo as low as it can.

Designing with PLLs

The design process of a PLL-based system involves a number of decisions 2 dictated
by the performance specifications of the given application, along with considerations
of circuit simplicity and cost. For 4046 PLLs, this process requires (a) the specifi-
cation of the VCO parameters fy and 2 fg, the choice of (b) the phase-detector type
and (c) the filter type. and (&) the specification of the filter parameters w), and w;.
To simplify the process, computer programs are available that accept specifica-
tions by the user and translate them into actuat resistance and capacitance values to
meet the VCO and filter requirements. An example is the HCMOS Phase-Locked
Loop Program, by Philips Semiconductors (check our Web site at http://www.mhhe.
com/franco to find how to download this program), which also provides important

data about the loop dynamics and displays the frequency response via Bode plots.
Once a PLL system has been designed, it can be simulated by computer,”-}2 for
instance, using suitable SPICE macromodels.'* However, the designer still needs a
sound understanding of PLL theory to judge the results of any simulation!

Popular PLL applications'? include FM, PM, AM, and FSK modulation/ demod-
ulation, frequency synchronization and synthesis, clock reconstruction, and motor
speed control, Here we discuss two examples, FM demodulation and frequency
synthesis. Other examples can be found in the end-of-chapter problems.

EXAMPLE 137. An FM signal is being modulated over the range of | MHz £ |0 kHz
with amodulating frequency of 1 kHz. Using a4046A PL1., design acircuit todemodulate
such a signal.

-

Solution. Forthe VCO we let f; = 1 MHz, and choose 2 fz wide enough to accommo-
date parameter spread. Thus, let2 fp = 0.5 MHz. This gives K, = 2r x0.5x 105/2.8 =
1.122 x 10° (rad/s)'V. Using the data sheets or the aforementioned PLL" program,
we find that a suitable set of VCO components is R} =95.3 kQ, Ry = 130 k2, and
C =100 pF.

Next, anticipating a noisy input signal, we choose PC), so Kg = 5/ Virad and
K, = KK, = 1.786 x 10° s~!, To allow for the possibility of a weak input, we take
advantage of the fact that the detector input buffers are self-biased near Vpp /2, where
gain is maximized. Consequently, the input signal is ac coupled, as shown in Fig. 13.33.

Finally, to minimize cost, we use a passive lag-lead filter. Impose { = 0.707 and
choose f_34n > fum. 58y, f.34s = 10 kHz. Proceeding as in Example 13.6, we find
w, = 553 rad/s and w, = 22.5 krad/s, which can be met with the filter components
shown in the figure.

Just as inserting a voltage divider within the feedback loop of an op amp in-
creases the output voltage swing, inserting a frequency divider inside the PLL loop
downstream of the VCO increases the VCO frequency. A frequency divider is imple-
mented with a counter, and the VCO output frequency becomes wg = Nw;, where
N is the counter modulus. Making the counter programmable allows the synthesis
of variable frequencies that are integral muitiples of w).

The PLL formalism still holds, but with K, replaced by K,/N. We observe that
varying N varies also the gain factor Ky, so care must be exercised to ensure that
stability and dynamics are maintained over the full range of values of N.

100 pF
3 6 I 7|
86k
PC, 2 93 vco 4
14
2.00kQ 11 12

10 nF 951 130
i 22nF kQ kQ

—]

FIGURE 13.33
FM demodulator using the 4046A PLL.
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FIGURE 13.34
Frequency synthesizer using the 4046A PLL.

EXAMPLE 138 ilng a 4046A PLL, design a circuit that accepts a 1-kHz reference
frequency and synthesizes all frequencies between | MHz and 2 MHz in 1-kHz steps.

Solution. To span the given range, we need & programmable counter between Ny, =
104/10° = 1000 and N,,,, = 2000. Choose, for instance, a 4059 counter, which allows
for N 10 be progranimed anywhere from 3 to 15,999 via a set of inputs referred to as the
Jjam inputs J in the data sheets.

For the VCO, specify fo halfway between the extremes, or f; = 1.5 MHz, and
again choose 2 fx wide enough, say, 2f = 1.5 MHz. This gives K, = 3.366 x 10°
(rad/s)/V. Using the data sheets or the aforementioned PLL program, we find the VCO
component values R, = 28.0k$2, R, =287k, and C = 110 pF.

Anticipating relatively clean on-board signals, we choose PCy, s0 Ky = 5/4rn
V/rad. Since N is variable, a reasonable approach'? is to design for the geometric mean
of the extremes, or for Npcun = /NuinNmax = 1414, The corresponding gain facior is
then Kuimean) = KaKo/Npean = 947 57,

We again usc a passive lag-lead filter. Imposing ¢ = 0.707 and arbitrarily choosing
wy = @; /20 = 210320 = 7100 rad/s, we obtain w, = 104 rad/s and w, = 290 rad/s.
Thes€ parameters are met with the filter components shown in Fig. 13.34, where the
wiring details of the 4059 counter have been omitted for simplicity.

Using Eq. (13.46b), we find ¢ = 0.78 for N = 1000, and { = 0.65 for N = 2000,
both of which are fairly reasonable values.

PROBLEMS

13.1 Log/antilog amplifiers

13.1 In the ransdiode of Fig. 13.2alet R = 10kQ, €, + C, = 20 pF, V, = 100V,

rg = 2MQ and f, = | MHz. If Ry = 4.3 kQ2 and C; = 100 pF, calculate 1/fo.

13.2

13.3

134

13.5

13.6

/B, fr.and f, for vy = 1 mV, 10 mV, and t0 V; bence, confirm the linearized plots
of Fig. 13.3.

Find the phase margin of the circuit of Example 13.1.
Modify the circuit of Fig. 13.4 to yield vp = —(2 Videc) log[vi/(1 V)]

(a) Derive Eqs. (13.13) and (13.14). (b) Design a circuit that accepts an input voltage
—5V <v; < +5V,andgivesig = (K 2A)27%/0 V); thiscircuit is useful in electronic
music. (¢) Modify the above circuit so that it gives the same output range, but for
0V <y 210V

The log conformity error at the upper end of the current range is due primarily 1o the
bulk resistance of the emitter region, which can be modeled with a small resistance
ry in series with the emitter itself. (a) Recompute the transfer characteristic of the
transdiode of Fig. 13.1b, but with r, in place. If r, = 1 €2, what is the log conformity
error at i; = | mA? Até; = 0.1 mA? (b) The effect of r, can be compensated by
feeding a small portion of v; to the base of the BJT. This is achieved by lifting the
base off ground, returning it to ground via a resistance R,, and connecting a secend
resistance R, between the source vy and the base of the BJT. Sketch the modified
transdiode, and show that choosing R, /R, = R/r, — 1 will eliminate the error due
tor,,

In the log amp of Fig. 13.4 the bulk-resistance error (see Problem 13.5) can be com-
pensated by connecting a suitable network between the base of @7 and the output of

OA;. Such a netwank oot of i resistance R in series with a diode D, (cathode
at the output ol (2t ., . s the antilog amp of Fig. 13.6 the compensation
network is comnics bt beiween the base of @) and the output of OA, (cathode at the

output of OA)). Show that the error is nulled when R, = (R, || R2)(2.2 kQ)/r,. What
is the required R,, given that the LM394 has r, = 0.5 Q?

13.2 Analog multipliers

13.7

13.8

A popular multiplier application is f}equency doubling. One way of configuring the
AD534 for this operation is as follows:® connect X; and ¥, to ground, connect X
and ¥, together and drive them with a source v; = 10coswt V, connect the Out
pin 1o Z; via a 10-kQ resistor, connect Z; 10 Z; via another 10-kS2 resistor, and
drive Z; with a 10-V reference voltage. (a) Skeich the circuit; then, using the iden-
tity costa = (1 + cos 2ur)/2 obtain an expression for the oulput vg. (b) Assum-
ing well-regulated £15-V supplies, design a circuit to generate the 10-V reference
for Z,.

The AD534 multiplier can be made to approximate the sine function within 0.5% of
full scale as follows:® connect ¥; to ground, connect ¥, and Z; together and drive
them with a source v;, connect ¥, to X; via a 10-k$? resistor, connect Xz to ground
via an 18-k resistor, connect the Out pin to Z, via a 4.7-kQ resistor, connect Z, to
X via a 4.3-kSQ resistor, and connect X, to ground via a 3-kQ resistor. (a) Skeich
the circuit, derive an expression tor the output vy as a function of v;, and calcu-
fate v at some significant points to verify that the circuit approximates the function
vo = 10sin[(v,/10)90°] V. (b) Using additional components as needed, design a cir-
cuit that accepts a triangular wave with peak values of 5 V and gives a sine wave
with the same frevaency and peak values as the input,
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13.9 The AD534 multiplier can be configured to yield the percentage deviation between
two signals v; and v, as follows: connect X, and Z, together and drive them with
vi, connect X, and ¥, to ground, drive Z; with vz, connect the Out pin to Y7 via a
resistance R, and connect ¥, to ground via a resistance R,. Develop an expression
for the output v, and specify Ry and R; for vp = 100(vy — vi)/vy.

13.10 Figure P13.10 shows a transducer-response linearization technique using a four-
quadrant multiplier. Derive an expression for Vg as a function of & and verify that it
is linearly proportional to & in spite of the fact that the voltage across the transducer
is a nenlinear function of 5.

v

R(1 + &)

10V =
FIGURE P13.10 !
13.11 Using the AD534 as a voltage-controlled attenuator, design a programmable first-

order low-pass filter with a dc gain of 20 dB and f = kV¢, 0.1 V< Ve <10V and
k = 100 Hz/V. Hint: See Problem 12.1%.

13.3 Operational transconductance amplifiers

13.12 Find the transfer function of the g,,-C filter of Fig. P13.12.

FIGURE PI13.12

13.13 Design an exponential VCA such that A = 2-Y</(! V) vy 0 < V¢ < 10 V. Hence,

outline its calibration procedure.

13.14 Design a programmable state-variable filter with Q = 10, Hogp = 1, and f; variable

over the audio range by means of control voltage Ve as fy = (20 kHz)2-%/0 V),
0<Ve<IOV.

13.15 The VCAG610 (Burr-Brown) is a wideband VCA that accepts two signal inputs v,

and vy and a control input V¢, and gives vo =A(vp —vy), where A=0.01 x
10-Y</03Y) w1V for —2 V < Ve <0, Using a VCA610 and an OPA620 wideband
precision op amp, design a first-order low-pass filter with unity dc gain and pro-
grammable cutoff frequency from 100 Hz to 1 MHz.

13.16 (a) Sketch and label all relevant waveforms in the CCO of Fig. 13.20, and derive
Eq. (13.32). (b) Find C so that fp = 100 kHz for Ic = | mA; next, using this CCO
as basis, design a VCO such that fp = (100 kHz) 10-¥</@ ¥} 0 < V. <10 V. OQutline
its calibration procedure.

13.4 Phase-locked loops
13.17 Find the phase response 8,(1), in degrees, in parts (a) and (&) of Example 13.3.

13.18 If welet R; = Oin Fig. 13.23q, the zero is moved to infinity, resulting in a passive lag
filter. Such a filter finds limited use because it does not allow for w, to be specified
independently of X, . (a) Verify that if we let R; = 0 in the filter of Example 13.4,
the phase margin is inadequate. (&) Specify a newsset of values for R; and C to ensure
Pm = 45° with Ry = 0. What is the corresponding value of @, ?

13.19 Repeat Example 13.4, but using an active P1 filter.
13.20 Prove Eqs. (13.46) through (13.47).

13.21 APLLhasey = 2x10°rad/s, K4 = 0.2 V/rad, K, = | V/V,and K, = w108 (rad/s)/V.
Design an active P filter for a loop time-constant of approximately 100 periods of the
free-running frequency and @ = 0.5.

13.22 If a 0.1-uF capacitance is connected in parallel with R; in the loop filter of Exam-
ple 13.6, find how it affects w, and ¢,,.

13.5 Monolithic PLLs

13.23 (a) Sketch and label the average Vp, versus 8p for a Type 1 phase comparator if the
duty cycles of v; and vo are D; = | and Dy = §. () Repeat, bul with D, = § and
Do = }. Comment.

13.24 Sketch v/, v, UP, DN, and v for a Type II detector if (@) wy is slightly higher than
wg, (b) w; is slightly lower than wg, (¢) w1 3> wg, and (d) w; K wo.

13.28 A certain CMOS PLL is powered between 5 V and 0 V, and uses a Type I phase com-
parator and a VCO with K, =5 MHz/V and f; = 10 MHz for vz = 2.5 V. (a) Design
a passive lag-lead filter for w, = 2a5 krad/s and Q =0.5. (b} Sketch v;, vp, vp, and
vg for the case in which the loop is locked to an input frequency of 7.5 MHz.

13.26 Find v.(?) in the FM demodulator of Example 13.7.

13.27 Dual-slope ADCs are clocked at a frequency that is locked to the ac line frequency
fiine in order to reject line-induced noise. Using a 4046A PLL, design a circuit that
accepls fine (either 60 Hz or 50 Hz) and gives fox = 2'® X fiine. Specify as many
parameters and components as you can in your circuit.

13.28 Using a 4046A, for phase detection and an 8038 as VCO, design a circuit that generates
a |-kHz sine wave synchronized on a |-MHz crystal oscillator.

13.29 An FSK signal v, alternates between f = 1200 Hz (logic 0) and fy = 2400 Hz
(logic 1). One way'? (o decode this signal with a 4046A PLL is to use PC3, a loop
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filter consisting of a plain RC siage with 1/2r RC = fy, the VCO with f =
(S + fi)/2=1.8 kHz and 2 fg =2 kHz, and a positive edge-triggered latch flip-
flop of the type of Fig. 13.31, with v, as the D input and the VCO output v, as the
clock; the @ output of the flip-flop is the FSK decoder output. Draw the circuit; then
sketch and label'v/, the average of v, vy, and @ both for f) = f, and f; = fy. What
is the distinguishing feature of PC; that makes it attractive in this application?
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nAT8G, 524
HATIG, 524
pAT4l opamp, 1,2, 212, 215,
216, 249-257, 340
#ATBOO series, $23-525, 530
1 AT805 regulator, 525, 527
HATI00 series, 523, 530
Absulute accuracy, 562
Absolute maximum ratings, 241
Absolute-value circuit, 422
ac-dc converters, 426-428
ac noise. See Noise
Acquisition time, 439
Aclive compensation of
integrators, 285
Active filters, 106-210
all-pass filers.
See All-pass filters
audio filter applications,
121-126, See also Audio
filter applications
band-pass filters.
See Band-pass filers
band-reject filers.
See Band-reject filters
biquad filters, 147, 148
common freguency responses,
106-108
first-order filiers, 115-121,

See also First-order active

filiers
GBP. and, 289-293
higher-order filters, 160-210.
See also Higher-order
active filters
high-pass fileers.
See High-pass filters

KRC filters, 133-141, See also

KRC filters
limitation, 109

low-pass filters. See Low-pass

filters
multiple-feedback filters,
141-144
natre of, 109
RLC ftiliers, 109
SC filters. See SC filters

second-order fillers, 126-133.

See also Second-order
filters
sensitivity, 150-152

SV filiers, 144-147
transfer function, 109114
universal filters, 144-150
Active guard drive, 86, 87
Active Pl filter, 633
Active wene control, 123-125
ADS522, 81
ADS534,618
ADS37 V-F converter, 484
ADS537 voltage-to-frequency
converter, 487489
ADS549, 222
AD590 IPTAT, 518

ADS90 two-ierminal temperature

transducer, 512
AD594/5/6/7 series, 519
ADSI7, 364
AD7846 16-bit segmented

DAC, 577
A-D converters, 559-606.

See ulso D-A converters

CR ADC, 588-590

DAC-based A-D conversion,

584, 585
errors, 566
flash converters, 590, 591
INL/DNL, 566
integrating-type conveners,
592-595
performance specifications,
564, 563
pipelined converters, 592
SA ADC, 586-588
subranging converters,
591,592
ADCs. See A-D conveners
Aliasing, 596
All-pass filters
all-pass response, 107, 108
second-order filters, 132
All-pole Iadder, 182
Alternative D-element
realization, 178
Amount of feedback, 24
AMP-01, 83-85
Amplifier

bridge, 57. See also Transducer

bridge amplifiers
CFAs, 293-303. See also

Current-feedback

amplifiers (CFAs)
composite, 384-390
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current, 71, 72
difference, 19, 20, 73-79.
See ulso Difterence
amplifiers
fundamentals, 2-5
1As, 79-91. See alse
Instrumentation
amplifiers
inverting, 12-15, 266-268
linear. 3
log/antilog, 608-615
main, 234
noninverting, 8-12, 262-264
nonlinear. See Nonlinear
amplifiers
nuiling, 234
op amp. See Op amp
OTA, 620627
photodetector, 63
SHAs, 437-443
THAs, 437-443
transconductance, 63-71.
See also Voltage-to-
current converters
transducer bridge, 91-97
ransimpedance, 61, 294
transresistance, S, 61-63
VFAs, 293, 300-303
voliage, 3
Analog division, 619, 620
Analog-grouad-switch, 430
Analog multipliers, 615-620
Analog switches, 428-433
Analog to digital converters. See
A-D conventers
Angular frequency, 109, 258
Aatilogarithmic amplifier,
609,613
Aperture jitter, 439
Aperture time, 439
Aperture uncertainty, 439
Astable multivibrator, 457
Audio filier applications,
121-126
active tone control, 123-125
graphic equalizers, 125, 126
phono preamplifier, 122
tape preamplifier, 123
Autozero mode, 235
Autozero phase, 594
Autozero (AZ) technique, 234
Avalanche breakdown, 507
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Avalanche noise, 324
Averaging-type meters, 314
AZ op amps, 234, 235

AZ technique, 234

Balanced bridge, 20, 67
Balanced modulator, 638
Balanced transmission, 86
Bandgap voltage, 566
Bandgap voltage references,
510,511
Band-pass filters
band-pass response, 107
cascade design, 171-174
direct synthesis, 196198
KRC filters, 139, 140
multiple-feedback filters,
141, 142
SC filters, 196-198
second-order fillers, 130, 131
wideband filters, 120
Band-reject filters
band-reject response, 107
cascade design, 175
KRC filters, 140, 141
multiple-feedback filters,
143, 144
notch response, 107
second-order filters, 131, 132
Bar graph, 590
Bar graph meters, 412-4(4
Barkhausen criterion. 453
Baseband, 595
Basic free-running multivibrator,
458-461
Basic series voltage
regulator, 519
Basic triangular/square-wave
generalor, 472
Basic Wien-bridge oscillator,
451453
Bass/treble control, 123-125
Bessel filters, 165, 166
Bidirectional, 65
Bipolar DAC output
conditioning. 573
Bipolar DACs, 572-574
Bipolar junction transistor
{BJT). 1
Bipolar op amps, 230-233
Bipolar OTAs, 622
Biquad filter, 147, 148, 152
Bistable multivibrator, 457
BIT. |
Black. Harold S., 347
Bode plots, 114
Boust circuit, 537
Bootstrapping principle, 515
Breakpoint wave shaper, 480, 481

Bridge amplifier, 57. See also

Transducer bridge amplifiers

Bridge calibration, 93. 94
Bridge imbalance
difference amplifiers, 74-77
V-I converters, 68, 69
Bridge legs, 93
Bridge linearization, 97
Broadband, 265
Brokaw cell, 511
Buck-boost circuit, 537
Buck circuit, 537
BUF-03, 12
Buffer, 12
Buffered 10-V reference, 513
Buried diode structure, 510
Butterwonrth filters, 163, 164
Butterworth low-pass clement
values, 183
Butterworth response, 129

C

CA3080, 623
Cancellation. See also
Compensation
input-bias-current, 222
pole-zero, 372, 373
zero-pole, 284
Capacitive loading, 363
Capacitive load isolation,
362-364
Capture range, 629
Capture time, 629
Cascade design, 166175
band-pass filters, 171-174
band-reject filters, 175
high-pass filters, 171
low-pass filters, 168-171
SC filters, 202-204
Case to ambient, 530
Cauer filters, 165
CCM. 538, 539
CCO, 477
Celsius sensor, 517
CF, 313,314
CFA-derived VFA, 302
CFAs. See Current-feedback
amplifiers (CFAs)
Characteristic frequencies, 110
Charge-balancing ADCs, 592
Charge-balancing VFC,
489, 490
Charge-pump phase
comparator, 640
Charge-redistribution converters
{CR ADCs), 588-590
Chatter, 420, 421
Chebyshev filters, 165
Chebyshev low-pass element
values, 183

Chopper stabilization (CS)
technique, 234
Chopper-stabilized op amp
(CSOA), 234
Circuits with resistive feedback,
60-105
current amplifiers, 71, 72
current-to-voltage converters,
61-63
difference amplifiers, 73-79
instrumentation amplifiers,
79-86. See also
Instrumentation
amplifiers

ill&ll
86-91
transducer bridge amplifiers,
91-97. See also
Transducer bridge
amplifiers
voltage-to-current converters,
63-71. See also
Voltage-to-current
converters
Closed-loop gain,
Closed-loop response, 263-268

Closed-loop transresistance

gain, 36

Closed-loop voltage gain, 36
CMOS-gate crysial oscillator,

463, 464

CMOS-gate free-running

multivibrator, 463
CMOS-gate one shot, 465
CMOS inverter, 462

CMOS logic gates, 462

CMOS op amps, 45, 341

CMOS transmission gate,
432,433

CMP-05, 407

CMRR, 75, 76, 227, 228

Code center line, 566

Code ranges, 564

Coil current ripple, 538

Cold-junction compensation, 518

Commercial range, 240

Common-centroid tayout, 231

Common-mode gain, 73

Common-mode input
capacitance, 269

Common-mode input
impedance, 269

Common-mode input
resistance, 74

Common-mode rejection ratio
(CMRR), 75, 76, 227,228

Comparator chatter, 420, 421

Comparators. See Voltage
comparalors

Compensated differentiator, 358

Compensation
active, of integrators, 285, 286
cold junction, 518
external frequency, 374-380.
See also External
frequency compensation
input offset-error, 235-240
internal frequency, 365-374.
See aiso Internal
frequency compensation
neutral, 360
passive. of integrators, 284
phase-error, 284
Q enhancements, 286-289
stray input-capacitance,
359-362, 382-384
Complex frequency, 109
Composite amplifiers, 384-390
Constant-GBP op amps, 261
Contact noise, 323
Continuous conduction mode
(CCM), 538, 539
Continuous-time filters, See
Higher-order active filters
Control-to-output iransfer
function, 545
Conversion time, 566
Converting RC inegrator to SC
integrator, 188
Comner frequency, 316
CR ADCs, 588-590
Crest factor (CF), 313, 314
Critical frequencies, 110
Crossover frequency, 262
Cross regulation, 551
Cross-talk for common retum

impedance, 78

CS op amps, 234, 235

CS technique, 234

Current amplifiers, 4,71, 72
Current cancellation, 222

nt-controiled integ 625

Current-controlled oscillator

(CCO), 477

Current-controlled relaxation

oscillator, 627

Current-driven R-2R ladders,

574,576

Current-feedback amplifiers

(CFAs), 293-303
applying CFAs, 299
closed loop gain, 295, 296
dynamics, 297, 298
high-speed voltage-feedback

amplifiers. 300-303

noise, 334
PSpice models, 299. 300
second-order effects, 298, 299
simplified circuit diagram, 294
stability, 381-384

Current flow, 4244 Decimation, 598
Current fold-back, 522 Decompensated op amps, 380
Current foldback p ion, 521 Dei phase, 594

Current-input [A, 91

Current mirror, 72

Current-mode control, 547, 548

Current mode R-2R ladders,
570, 571

Current-mode segmentation,
578, 579

Current-output 1A, 89-91

Current reverser, 72

Current sources, 515-517

Current switch, 430

Current-to-voltage converters?
61-63

Cutoff frequency, 106, 129, 161

Cyclical frequency, 258

D
D-element realization, 177, 178
DABP filter, 178, 179
DAC-based A-D conversion,
584, 585
D-A converters, 559-606.

See also A-D converters
bipolar DACs, 572-574
current-driven R-2R ladders,

574,516
current-mode R-2R ladders,
570, 571
current-mode segmentation,
578,579
errors, 562, 563
glitches, 564
INL/DNL, 563
master-slave DACs, 574, 575
MDAC applications, 580-584
petformance specification,
561, 562
potentiometric DACs, 569, 570
R-2R ladders, 570-572, 574
segmentation, 576-579
voltage-mode R-2R ladders,
571,572
voltage-mode segmentation,
577,578 -
weighted-capacitor DACs,
568, 569
weighted-resistor DACs,
567, 568
DACs. See D-A converters
Damping ratio, 127, 634
Darlington pair, 215, 519
dc gain, 118, 259
DCM. 539. 540
dc noise, 31§
dc noise gain, 235
de-offsetting amplifier, 19
Deboo integrator, §17

Delay filters, 108. See also
All-pass filters
Delyiannis-Friend filter, 141
Desensitivity factor, 26
Dielectric absorption, 435
Difference amplifier
calibration, 76
Difference amplifiers,
19,20, 73-719
ground-loop interference
elimination, 77-79
resistance mismatches, 74-77
variable gain, 77
Difference-input,
difference-output amplifier,
9
Differential input capacitance,
269

Differential input impedance, 269

Differential input-pair noise,
340, 341
Differential input voltage, 6
Differential-mode gain, 75
Differential-mode input
resistance, 74
Differential nonlinearity (DNL),
563, 566
Differential V-1 converter,
616,617
Differentiator, 20,21, 115,116
Differentiator circuit, 357, 358
Digitally programmable
amplifier, 582
Digitally programmable
attenuator, 582
Digitally programmable
filter, 583
Digitally programmable
gain, 87-89
Digitally programmable 1A, 88
Digital to analog converters,
See D-A converters
Direct-design, 181-186
Direct synthesis (design).
181-186
high-pass filters, 185, 186
low-pass filters, 182185
SC filters, 196-198
Discontinuous conduction mode
(DCM), 539, 540
DNL, 563, 566
Dominant-pole comp
367, 368
Dominant-pole frequency, 259
Dominani-pole PSpice
model, 263
Dominamt-pole response, 259

649
INDEX

_J————



650
INDEX

Doubly terminated all-pole RLC
ladder, 194
Doubly terminated
series-resonamt RLC
ladder, 182
Drain cutoff current, 429
Dropout voltage, 505
Dual-amplifier band-pass
(DABP) filter, 178, 179
Dual-integrator-loop SC filter,
192-194
Dual-op-amp 1A, 82,83
Dual-slope ADC, 593
Dual-stope waveform, 593
Duty cycle, 415
Dynamic op amp limitations,
258-310. See alse Static
op amp limitations
CFAs, 293-303_ See also
Current-feedback
amplifiers (CFAs)
closed-loop response, 263-268
finite GBP/filters, 289-293
finite GBP/integrator circuits,
283-289
full-power bandwidth,
278,279
inpuvoutput impedances,
269-215
open-loop response, 259-263
rise lime, 275, 276
seqtling time, 279-281
slew-rate limiting, 276-278,
281,282
transicnt response, 275-282
Dynamic output range, 45
Dynamic range, 562, 608
Dynamic resistance, 429

E
8-bit subranging ADC, 591
EL2044C low-powet/low-voltage
120-MHz unity-gain stable
op amp, 303
Element vajues
(Butterworth/Chebyshev
low-pass filters), 183
Elliptic filiers, 165
Elliptic low-pass response, 182
Emitter-coupled VCO, 483486
Emitter degeneration, 282
Equal-component KRC circuit,
135, 136
Equalized preamplifiers, 121
Equivalent series ind
(ESL), 54}, 542
Equivalent series resistance
(ESR), 541, 542
Ervor amplifier, 23
Error function, 24

Ervor signal, 23
Error voliage, 628
ESL, 541, 542
ESR, 541, 542
EVAL.LIB, 216, 415
Excess noise, 323
Explicit rms computation, 614
Exponentiallinear
waveforms, 450
Exponential transient, 451
External frequency
compensation, 374-380
decompensated op amps, 380
feedback-lead compensation,
378-380
dnput-lag compensation,
375-378
reducing loop gain, 374, 375
External (interference) noise,
311,312
External offset nulling, 238-240

F
False ground, 280
FDNR, 177, 179-181
Feedback, 29-37. Sec also

First-order noise shaping, 601
555 timer, 465469
555 timer block diagram, 466
Flash converters, 590, 591
Flicker noise, 323, 324
Rip-flop, 457
Floating-load current
amplifier, 72
Floating-load V-1 converters,
64, 65
Flyback regulator, 550, 551
Flying capacitor techniques,
85,86
Folded-cascode bipular VFA, 302
4046 CMOS PLL, 635-642
Four-quadrant analog-
multiplier, 617
Four-quadrant multiplier, 615
Four-terminal adjustable
regulator, 524
Fourth-order, 1-dB, |-kHz
elliptic low-pass filter, 204
Fourth-order, 1-dB, 2-kHz
Chebyshev jow-pass
filter, 203
Fourth-order band-pass filter, 197

Negative feedback FPB, 278,219
Feedback factor (8), 3941 Fractional binary value, 561
Feedback-lead comp i Fractional deviation, 92

378-380 Fractional elongation, 95
Feedback pole, 356, 357 Free-running frequency, 628
Feedforward compensation, Free-running multivibrator,

373,374 457-463
Feedthrough, 440 Frequency-compensation
Fecdthrough gain, 32, 34 capacitance, 215.
Feedthrough rejection ratio, 440 Frequency compensation
FET-input op amps, 234 techniques, _165—380
Field-effect transistors Frequency doubling, 643

(FETs), 42 Frequency response, 106, 112
Field emission breakdown, 507 Frequency shift keying (FSK),
Fifth-order 0.1/40-dB elliptic 485, 486

high-pass filter, 186 Frequency-to-voitage converter
Fifth-order 3-dB responses, 166 (FVC), 491,492

FSK, 485, 486

Fifth-order SC low-pass
filter, 196
FILDES, 163
Filter, 106. See also Active filters
Filter approximation, 161-166
Finite open-loop gain, 70
First-order active filters, 115-121
differentiator, 115, 116
GBF, and, 290
high-pass filter with gain,
119, 120
integrators, 116-118
fow-pass filter with gain,
118, 119
phase shifters, 121
wideband band-pass filter, 120
First-order loops, 632, 633

Full-power bandwidth (FPB),
278,219

Full-scale range, 561

Full-wave rectifier (FWR), 422,
424-426

Function generators, 478486

FVC, 491,492

F-V converters, 491, 492

FWR, 422, 424426

G
Gain-bandwidth product, 261.
See also GBP
Gain-bandwidth wadeoff, 265
Gain desensitivity, 25, 26
Gain error, 24, 562, 566

Gain margin (GM), 348, 349

Gain node, 294

Gain peaking (GP), 350, 351

Gate reverse current, 429

GBP, 261

effect, on filters, 289-293
effect, on integrator circuits,
283-289

Generalized impedance convernter
(GIC), 175-181

General-purpose IC comparators,
401-406

GIC, 175-181

Glitches, 564

GM, 348, 349

8m-C fikers, 621

GP, 350, 351

Graphic equalizers, 125, 126

Grounded-capacitor VCO,
478-483

Grounded FDNR, 177

Grounded-load current
amplifier, 72

Grounded-load V-1
6668

Grounding, 365

Ground-loop interference, 78

Ground-loop interference
elimination, 77-79

Guard-ring layout/
connections, 225

Gyrator, 206, 207

H
HA-2725 programmable op
amp, 282
HA-5330 high-speed monolithic
THA, 441
Half-flash converter, 591
Half-wave rectifier (HWR),
422-424
HCMOS Phase-Locked Loop
Program, 640
Heatsink, 531
HI-DACI6, 579
Highet-order active filiers,
160-210
Bessel approximation,
165, 166
Butterworth approximation,
163, 164
cascade design, 166-175
Cauer approximation, 165
Chebyshev approximation, 165
direct-design, 181-186
filter approximations, 161-166
GBP. and, 291-293
generalized impedance
converter (GIC), 175-181
PSpice, 163

High-frequency gain, 120, 129
High-gain loop, 634
High-pass fillers
cascade design, 171
direct design, 185, 186
gain, and, 119, 120
high-pass response, 107
KRC filters, 138, 139
SC filters, 185, 186
second-order filters, 129, 130
High-pass notch, 149
High-resolution
charge-redistribution
ADC, 589
High-sensitivity 1-V converter, 62
High-speed comparators,
406, 407
High-speed current switch, 573
High-speed voliage-feedback
amplifiers, 300-303
Hold mode, 434
Hold mode setiling time, 440
Hold step, 440
Howland circuit calibration, 69
Howland current pump, 66-68
Huelsman, L. P, 144
HWR, 422424
Hysteresis, 421

1As. See Instrumentation
amplifiers
IC noise densities, 317
IC timers, 465471
ICL7129 4Y2-digit ADC, 595
ICL8038 waveform generalor,
479483
Ideal, 4
Ideal inverting amplifier, 13--15
Idealized filter responses, 107
Ideal noninverting amplifier, 11
Ideal op amp, 7
Ideal op amp analysis, 15-23
difference amplifier, 19, 20
differentiator, 20, 21
integrator, 21, 22
negative-resistance converler
{NIC), 22,23
summing amplifier, 17-19
virtual short, 16
Ldeal terminal resistances, 5
Images, 595
Imbalance factor
difference amplifiers, 75
V-1 converters, 68
Impedance
input/output, 269-275
series, 270, 271
shunt, 272-275
Impedance transformation, 22

Implicit ms computation, 614
Improved Howland current
pump, 70, 71
Improved THA, 442
INA1O1, 8)
INA10S, 76
Inadequate power-supply
filiering, 364, 365
Inductance simulator, 177
Industrial range, 240
Infinite-gain filters, 141-144
Inherent noise, 312
Initial input offset voltage, 230
INL. 563, 566
Input bias current, 63, 217-221
Input-bias-current cancellution,
221,222
Input-bias-current
characteristics, 224.
Input bias-current drift, 224
Input current constraimy, 15
Input guarding, 225
Input-lag compensation, 375-378
Input linearization network, 623
Input offset current, 217-221
Input offset-error compensation,
235-240
Input offset voltage, 225-230
Input/output impedances,
269-275
Input overdrive, 400
Input-pair load noise, 341
Input reference current, 608
Input-referred errors, 211,
See also Sratic op amp
limitations
Input regulation, 501
Input resistance, 3
Input scale factor, 609
Input-series, 29
Input-shunt, 29
Input shunt topology, 273
Input signal-to-noise ratio, 334
Input stage, 213-216
Input voltage constraint, 15
Input voltage range, 241, 242
Instability. See Stability
Instrumeniation amplifiers,
79-91
active guard drive, 86, 87
current-input 1A, 91
current-output 1A, 89-91
digitally programmable gain,
87-89
dual-op-amp 1A, 82, 83
flying capaciter technigues,
85,86
monolithic 1A, 83-85
output-offsetting, 89
triple-op-amp [A, 79-82
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Instrumentation applications,
86-91

Integral nonlinearity (INL),
563, 566

Imegrated-circuit noise,
36,317

Integrating-type converters,
592-595

Integrating-type THA, 441, 442

Integration unity-gain
frequency, 200

Integrator, 21, 22

Integrator circuits. and finite
GBP, 283-289

Integrators. 116-118

Imerference noise, 311, 312

Imtermediate (second) stage, 215

laternal frequency compensation,

365-374
dominan-pole compensation,
367, 368
feedforward compensation,
373,374
Miller compensation, 369-372
pole-zero compensation,
372,373
shunt-capacitance
compensation, 368, 369
Internal (inherent) noise, 312
Intermally compensated op
amps, 259
Internal offset nulling, 237
Internal power dissipation, 42
Inverting amplifier, 12-15,
266--268
Inverting configuration, 34-36
Inverting intcgrator, 356
Inverting regulator, 539
Inverting Schmitt trigger,
416,417
inverting SC integrator, 189
IPTATs. 511, 512
1-V converter, 6i-63

J
JFET-input op amps, 222
JFET switches. 428-43|
Johnson noise, 322
Junction-t-ambient thermal
resistance, 529
Junclion to case. 53)

K

k-channel analog
muhiplexer, 431
Kerwin. W. 1., 144
KHN filter. 144-147
KRC filters, 133-141
haund-pass Kilters, 139, 140}
band-reject filters, 140, E41

equat-component KRC circuit,

135, 136
high-pass filiers, 138. 139
low-pass filters, 134, 135
sensitivity, [51

unit-gain KRC circuit, 136-138

L

Ladder simulation
continuous-time Klters,
I81-186
SC filters, 194, 195

Large-signal conditions, 214

1.DXO regulators, 526, 527

Leakage. 415, 436

Leapfrogging, 578

Least significant bit (LSB), 561

Leve! detectors, 407-49

LF356. 441

LF356 biFET op amp, 222, 223

Limitations. See Dynamic op
amp limitations; Static op
amp limitations

Linear amplifier, 3 '

Lincar/exponential
waveforms, 450

Linearity, 398

Linearity error, 615, 618

Linearized bridge circuit, 104

Linearized transconductance
block, 616

Linearizing effect of negative
feedback, 27

Linear region, 44, 45

Linear regulators, 519-535

1ithi,

m voltage regulators,

523-527
power sources, 528, 529
power-supply supervisory
circuits, 532-535
prutections, 520-523
thermal considerations.
529-532
uses. 527-535
Line-loss detection, 533-535
Line regulation, 501
LM308 op amp, 221
LM voltage comparator,
402-404
LM317 functional diagram,
525. 526
LM3IT positive regulator, 524
LLM318 op amp. 282
1.M329 6.9-V reference
diode, 409
1.M329 precision reference
diude, 507
1.M135, 49
1.M235 precision lemperature
sensor, 512

LM337 negative regulator, 524
[.M339 quad comparator,
405, 406
LM385 2.5-V micropower
reference diode, 511
L.M295, 409
LM398 BsFET THA, 438
LM399 6.95-V thermally
stabilized reference, 509
1.M3914 dov/bar display
driver, 413
LM3915,412
LM3916, 412
LM13600, 623
LMC6464 CMOS op amp, 242
Load, 499
Leading, 3, 4
Load regulation, 501
Lock range, 629
Log amp, 608
Log/antilog amplifiers, 608-615
antilog amp, 609, 612
log amp, 608, 609, 612
log ratio amplifier, 612, 613
practical circuits, 612-614
stability, 610, 611
transdiode configuration, 609
true rms-io-dc converters,
614,615
Logarithmic amplifier, 608,
609, 612
Logarithmic wave shaper,
475, 476
Log conformity ervor, 608
Logger, 608
Log ratio amplifier. 612. 613
Loop gain (T)
feedback factor, 3941
finding it directly, 37, 38
graphical visualization, 262
increasing, 384-386
PSpice. 353-355
reducing, 374, 375
Lossy integrator, 22, t19
Low-distortion sine wave
generation, 485
Low-dropoul (LDO) regulators,
526,527
Lower saturation region, 44, 45

Low-input-bias-current op amps,

221-225
Low-input-offset-voltage op
amps, 230-235
Low-noise op amps, 339-342
differential input-pair noise,
340. 31
input-pair load noise, 341
second-stage noise, 34)
ultralow-noise op amps.
341,342

Low-pass filters
cascade design, 168171
direct design, 182-185, 196
FDNR, and, 180, 181
gain, and, 118,119
KRC filters, 134, 135
low-pass response, 106, 107
multiple-feedback filters,
142, 143
SC filters, 182185, 196
second-order filters, 127-129
Low-pass filter tables, 169
Low-pass notch, 149
LSB, 562
LTIO0, 441
LTI0I6, 407
LT1025, 519
LT 1028, 340
LT 1070 monolithic switching
regulator, 548-550
LT1360, 364
LT1363 70-MHz, 1000-V/us op
amp, 302
LTC1060, 198
LTC1064 series, 198
LTZ1000 Super Zener, 509

M

Macromodel, 216
Main amplifier, 234
Mark frequency, 485
Master-slave DACs. 574, 575
Maximum internal power
dissipation (Pmay ), 241
Maximum passband ripple. 161
Maximum ratings, 240-244
MC3425. 532-534
MDAC, 561, 580-584
Mean square value, 313
MF10 universal monolithic dual
SC filter, 199
MPF10 universal SC filter,
199-202
Micromodel, 215
Micropower ap amps, 42
Midfrequency gain, 120
Military range, 240
Miller compensation. 369-372
Miller effect. 3§
Miller integrator, |16
Monolithic 1A, 83-85
Monolithic P1.Ls, 635-642
designing, 640-642
Type | phase comparator,
637,638
Type H phase comparator,
639, 640
Type HI phase comparator,
638, 630
VO, 635-637

Monolithic switching regulators,
544-551
current-mode control,
547. 548
flyback regulators, 550, 551
LT1070, 548-550
voltage-mode control,
544-547
Monolithic temperature sensors,
511,512
Monolithic timers, 465-471
Monolithic voltage regulators,
523-527
Monolithic waveform generators,
478-486 -
Monostable multivibrator, 457,
464, 465
MOSFET-input op amps,
222-224
MOSFET switches, 431433
Most significant bit (LSB), 561
MP7616 16-bit CMOS DAC, 579
MPY 100, 618
Multiple-feedback band-pass
fileer, 141, 142
Multiple-feedback filters,
141144, 152
Multiple-feedback low-pass filter,
142, 143
Multiple-op-amps filters. See
Universal filters
Multipliers, 615-620
Multiptying DAC (MDAC), 561,
S80-584
Multivibrators, 457-465
basic free-running, 458461
classification, 457
CMOS crystal oscillator.
463, 464
free-running, using CMOS
gates, 462, 463
monostable, 464, 465

N

NAB equalization curve and tape
preamplifier, 123
Natural response, it
a-bit flash converter, 590
n-channel JFET, 429, 430
a-channel MOSFET. 431, 432
NES60, 484
NES517. 623
NES533/5534 low-noise audio op
amp, 340
NEB, 318-320
Negative feedback, 23-29
block diagram, 23
disturbances, and, 29
gain desensilivity, 25, 26
noise. and, 29

nonlinear distortion reduction, 653
26-28 —_—
stability, and, 347 INDEX

Negative feedback mede, 45

Negative-feedback topologies,
29.30

Negative resistance, 22,23

Negative-resistance converter

(NIC), 22,23
Negative saturation region,
44,45
Neper frequency, (09
Neutral compensation, 360
Newcomb. R. W.. 144
NIC, 22,23
Noaise, 311-346
avalanche, 324
BITs, in, 324, 325
crest factor, 313, 314
defined, 351
dynamics, 317-322
filtering, 334, 335, 337, 338
flicker, 323,324
IC, 316, 317
inherent, 312
interference, 311, 312
IFETs, in, 325
low-noise op amps, 339-342
MOSFETs, in, 325. 326
NEB, 318-320
negative feedback, and, 29
observation/measurement, 314
I/f.316
op amp. 328-1335. See also Op
amp noise
photodiode amplifiers, in,
335-339
piecewise graphical
integration, 320
pink-noise tangent principle,
321,322
PSpice modeling, 326. 327
rms value, 313
shot, 323
SNR. 32
sources of, 322-327
spectra, 315
summation, 314, 315
thermai, 322
while, 316
Noise dynamics, 317-322
Noise equivalent bandwidth
(NEB), 318-320
Noise filtering. 334, 335,
337,338
Noise gain, 29. 317
Noise power density, 315
Noise shaping. 599-602
Noise spectra, 315
Noise summation, 314, 315

——_



654
INDEX

Noninverting amplifier, 8-12,
164-266
Noninverting configuration,
31-33
Noninverting (Deboo) ~
integrator, 117
Noninverting Schmitt uigger,
417, 418
Noninverting SC integrator,
189, 190
Noninventing SC integrator
waveforms, 190
Nonlinear amplifiers, 607-646
analog multipliers, 615-620
log/antilog amplifiers,
608-615. See ulso
Log/antilog amplifiers

amplifiers, 620-627

PLLs, 627-642. See also
Phase-locked loops
{PLLs)

Nonlinear circuits, 398448
ac-dc converters, 426428
analog switches, 428431
FWR, 424426
HWR, 422424
MOSFET switches, 431-433
peak detectors, 433437
precision rectifiers, 422-428
sample-and-hold amplifier

(SHA), 437443
Schmitt triggers, 416422
THA, 437-443

voltage comparators, 399-415.

See also Voliage
comparaions
Nonlinear distortion reduction,
26-28
Nonretriggerable one-shot, 465
Notch filters. See Band-reject
filters
Notch response, 107
Nulling amplifier, 234
Nyquist bandwidth, 595
Nyquist rate, 597
Nyquist-rate converters, 597
Nyquist-rate sampling, 595-597
Nyquist's crilerion, 596

o]

Ccrave equalizer, £26

Offset ervor, 562, 566

Offset nulling, 237-240

Offset-voltage adjustment
range, 237

Off-the-shelf OTAs, 622-627

On-chip rimming, 232

1% absolute-emor
bandwidth, 61+

1/ noise, 316, 323
1-mA source, 67
IN821-9 series, 507
IN5822, 550
One-quadrant multiplier, 615
One-shid, 457, 465
On-off controllers, 409, 410,
421,422
On-off temperature controller,
410
Op amp, 5-8
feedback, 29-37
historical overview, 1,2
ideal, 7. See aiso op amp
analysis
“Timitations. See Dynamic op
amp limitations; Static op
amp limitations
noise. See Op amp noise
powering, 4147
practical, 65
PSpice simulation, 7, 8
simplified block diagram, 259
simplified circuit diagram,
212-217
voltage comparator, as,
400, 401
Op amp circuit, 8
Op amp differentiator, 20, 21
Op amp integrator, 21, 22
Op amp manufacturers, 2
Op amp noise, 328-335
CFAs, in, 334
noise fitering, 334, 335
overall input spectral density,
329,330
rms output noise, 330-333
SNR, 333,334
Op amp powering, 41-47
carrent flow, 42-44
oulput saturation, 44-47
power dissipation, 4244
OP-07 op amp, 222
OP-27,232,233
OPA129, 222
OPAS01, 244
OPA627, 341
Oben-circuit noise, 330
Open-circuit voltage gain, 3
Open-ioop -3-dB frequency, 259
Open-loop bandwidth, 259
Open-loop dc gain, 259
Cpen-loop gain, 9, 23
Open-loop response, 259-263
Open-loop transimpedance
gain, 254
Operating lemperatures, 240
Operational transconductance
amplifier (OTA), 620-627
08, 350, 351

Oxcillation, 347,
See also Stbility
Oscillators
CMOS crysial, 463, 464
quadrature, 456, 457
relaxation, 450, 451
ring, 494
sinusoidal, 450
vCO, 473475
Wien-bridge, 451-456
OTA, 620-627
Output/input impedances,
269-215
Output-offsetting, 89
Output overload
protection, 521
Output reference current, 609
Output resistance, 3
Output saturation, 4447
Output scale factor, 608
Output-series, 30
Oulput short-circuit current, 242
Output-shunt, 30
Output shunt topology, 272
Output spectral density, 331
Output stage, 215
Owitput voltage swing, 242
Overall input spectral density,
329,33
Overdamped, 127
Overload protection, 242-244
Oversampling, 597-599
Oversampling converters,
595-602
noise shaping, 599-602
Nyquist-rate sampling,
595-597
oversampling, 597-599
sigma-delta converters,
599-602
QOvershoot (08), 350, 351
Overvoltage protection, 533-535
OV protection, 533-535

P
Pax, 241
PA(4, 244
Passkand, 107, 161
Passive band-pass filter
prototype, 179
Passive compensation of
integrators, 284
Passive lag-lead filter, 632
PCM52/53, 579
Peak cusren control, 547
Peak detectors, 433--437
Peak frequency, 130
Peaking, 129
Pedestal error, 440
Percentage deviation, 92

Phase accuracy, improving,
348-390
Phase-error compensation, 284
Phase-locked loops (PLLs),
627-642
basic system, 627, 628
desighing, 640-642
dumping characteristics, 633
filter design criteria, 635
first-order loop, 631
lock and capture, 628, 629
locked condition, 629-631
monolithic, 635-642. See alse
Monolithic PLLs
second-order loops, 632, 633
Phase shifters, 121
Phono preamplifier, 122
Photoconductive detectors, 63
Photodetector amplifiers, 63
Photovoltaic detectors, 63
Pink-noise curve, 321
Pink-noise tangent principle,
321,322
Pipelined converters, 592
PLLs. See Phase-locked loops
(PLLs)
Pole splitting, 369, 370
Pole-zero cancellation, 372, 373
Pole-zero circuit, 153, 154
Poor grounding, 364, 363
Positive resistance, 22
Positive saturation region,
44,45
Post filter, 615
Potentiometric DACs, 569, 570
Power dissipation, 4244
Power op amps, 244
Power sources, 528, 529
Power-supply busses, 365
Power-supply rejection ratio
(PSRR), 229
Power-supply supervisory
circuits, 532-535
PPM, 469
Practical logarithmic wave
shaper, 476
Practical long/antilog circuits,
612-614
Practical op amp, 65
Practical Wien-bridge
oscillators, 454
Precision integrator, 21
Precision rectifiers, 422428
Printed-circuit
board leakage, 435
Programmable op amps, 282
Propagation delay, 399
Proportional to absolute
temperature (PTAT), 511
PSpice, 7. 163,216

PSpice models.
See also SPICE models
CFAs, 299, 300
finding T, 353-355
noise, 326, 327
PSRR, 229
PTAT, 511
Pull-in time, 629
Pulse-pusition modulation
(PPM), 469
Pulse-width modulation (PWM),
414, 415, 469
Push-pull pair, 215
PWM, 414, 415, 469
PWM waveforms, 415

Q

hanc F ion,

286-289
Q multiplier, 157
Quadrature oscillators, 456, 457
Quantization error, 565
Quantization noise, 565
Quiescent supply current, 42

R
RA, 591
Ragazzini, John R., |
Rail-to-rail op amps, 45, 242
Raite of closure (ROC), 352, 353
Ratiometric conversion, 564

Retriggerable one-shot
operation, 534

Return ratio, 24

RIAA playback equalization
curve and phono
preamplitier, 122

Ring oscillator, 494

Ripple band, 161

Ripple rejection ratio (RRR), 501

Rise time, 275, 276

RLC filters, 109

RLC ladder simulation, 18i-186

rms output noise, 130-333

tms value, 313

ROC, 352, 353

Rool-mean-square {rms)
value, 313

R-2R ladders, 570-572, 574

RRR, 501

S

SA ADCs, 586-588

Safe operating area (SOA),
520, 521

Sagback effect, 435

Sallen-Key filters, 134.
See also KRC filiers

Sample-and-hold amplifier
(SHA), 437443

Sampled-data system, 560

Sample-10-hold offset, 440

RC-SC integrator ¢ , 188
REF 05 5.V precision
retercnce, 511
REFI101, 502
REFIU1 10-V precision
reference, 507, 508
Referenge voliage, 561
Refeiencesfregulators. See Volt-
age references/regulators
B g of operation, 44, 45
Relative accuracy, 563
Relaxation oscillators, 450, 45)
Remote sensing, 513,514
Reset-switch lcakage, 436
Residue, 591
Residue amplifier (RA), 591
Resistance mismatches
difference amplifiers, 74-77
V-I converers, 68, 69
Resistance trimming, 69
Resistance values, 58, 59
Resistive feedback. See Circuits
with resistive feedback
Resistive transducers, 91
Resolution, 562
Resonance frequency, 130, 131
Resonance gain. 130
Response tine, 399, 400
Retriggerable one-shot, 465

pling mode, 235
SAR, 586
Saturating amplifiers, 4447
Saturation current, 506
Sawtooth wave generators,
476-478
Scale factor, 561
Scaling factof, 110
SC biquad filter, 193
SC filters, 192-198
cascade design, 202-204
direct synthesis of band-pass
filters, 196-198
direct synthesis of low-pass
filters, 196
dual-integrator-loop filters,
192-194
ladder simulation, 194, 195
practical limitations, 190-192
universal filters, 198-204
Schmitt tnggers, 416422
SC integrators, 188-190
Second-order, Type I loop, 632
Second-order, Type Il loop, 633
Second-order filters, 126-133
all-pass response, 132
band-pass response, 130, 131
filier measurements, 133
high-pass response, 129, 130
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Second-order filters—Cont.
low-pass response, 127-129
nuich response, 131, 132

Second-order gm-C filtes. 621

Second-order loaps, 632, 633

Second stage, 215

Second-stage noise, 341

Secheck coefficient. 518

Segmentation, 576-579

Selectivity factor, 161

Self-regulated 10.V

reference, 504

Self-regulation, 505

Sensitivity, 150-152

Sequential search, $85

Series impedances, 270, 271

Series-pass element, 519

Series-shunt, 31

Servo converter, 585

Seltling time, 279-281, 564

Seventh-order 0.28/60-dB ¢lliptic

low-pass filter. 184

T4HC(T)4046A CMOS PLL,

635-642
741 opamp, 1,2,212, 215,216,
249-257, 340

741 op amp macromadel, 217

T800 series, 523-525, 530

SHA, 437443

SHCB03/304, 442

Short-circuit current gain, 4

Short-circuit noise, 330

Short-circuit protection, 521

Shot noise, 323

Shunt-capacitance compensation,

268, 369

Shunt impedances, 272-275

Shunt-shunt, 34, 36

Sigma-delta converters, 599~602

Signal gain, 235

Signal generators, 449498
emitter-coupled VCO,

483-486
F-V converters, 491, 492
grounded-capacitor VCO,
478483
logarithmic wave shaper,
475,476
monolithic timers, 465471
monolithic waveform
generators, 478-486
multivibrators, 457445,
See also Multivibrators
yuadrawre oscillators,
456, 457
relaxation oscillators, 450, 454
sawiooth wave generators,
476-478
sine wave generalors, 451-457
sinusoidal oscillators, 450

triangular wave generators,
471476
V-F converters, 486490
voliage-controlied oscillator
(VCO), 473-475
Wien-bridge oscillator,
451-456
Signal integrate phase, 504
Signal-to-noise ration (SNR),
312,333,334
Silicon photodiode, 63
Simplified op amp circuit
diagram, 212-217
Simplified op-amp block
diagram, 259
Sine wave generators, 451457
Single-op-amp bridge
amplifier, 96
Single-supply free-running
multivibrator, 460
Single-supply inverting Schemitt
trigger, 419
Single-supply noninverting
Schmitt trigger, 420
Sinusoidal FSK generator, 486
Sinusoidal oscillators, 450
Sixth-order 0.1/40-dB elliptic
low-pass filter, 172
Sixth-order 1.dB Chebyshev
low-pass filter, 170
Sixth-order {.0/40-dB band-pass
filier, 174
Sixth-order Butterworth
band-pass filter, 173
Skirt, 161
Slew rate (SR}, 276, 277
Slew-rate limiting, 276-278.
281, 282
Small-signal bandwidth, 516
Smali-signal conditions, 214
SNR, 312, 333, 334
SOA, 520, 521
Sofl star, 548
Source-free response, 111
Source-to-load gain, 3
Space frequency, 485
Spectral noise densities, 315
SPICE, 2. See also PSpice,
PSpice models
SPICE models, 215-217
Square-rool extraction, 619, 620
SR, 276,277
Stahility, 347-397
capacitive load isolation,
362-364
CFA circuits, 381-384
composite amplifiers, 384-390
constant-GBP op amp circuits,
356-365
differentiator circuit, 357, 358

external frequency
compensation, 374-380.
See aise External
Frequency compensation
feedback pole, 356, 357
finding T using PSpice,
353-355
gain margin, 348, 349
grounding, 364, 365
H(s), and, 111, 112
internal frequency
compensation, 365-374.
See aiso Internal
Frequency compensation
log/antilog amplifiers, 610, 611
peaking/ringing, 350-352
power-supply filtering,
364, 365
rate of closure, 352, 353
stray input-capacitance
compensation, 359-362,
382-384
Standard resistance values, 58, 59
Start-up circuitry, 506
State-variable (SV) filters,
144-147
Static op amp limitations,
211-257. See also Dynamic
op amp limitations
autozero/chopper-stabilized op
amps, 234, 235
bipolar op amps, 230-233
CMRR, 227, 228
external nulling, 238-240
FET-input op amps, 234
input bias current, 217-221
input bias-current drift, 224
input guarding, 225
input offset current, 217221
input offset-error
compensation, 235-240
input offset voltage, 225-230
input-bias-current
cancellation, 222
intermal nulling, 237
JFET-input op amps, 222
low-input-bias-current op
amps, 221-225
low-input-offset-voltage op
amps, 230-235
maximurm ratings, 240-244
MOSFET-input op amps,
222-224
overload protection, 242-244
PSRR. 229
superbeta-input ep amps,
221,222
thermal drift, 227
Step-down regulator, 539
Step-up regulators, 539

Stopband, 107, 161
Strain gauge bridges, 94-96
Stray inpul-capacitance

compensation, 359-362,

382-384
Subranging converters,

591,592
Substrate thermostating, 409
Subsurface diode structure, 510
Successive-approximation

converters (SA ADCs),

586-588
Successive-approximation

register (SAR), 586
Summing amplifier, 17-19
Summing junction. 18
Superbeta-input op amps,

221,222
Superbeta input stage, 221
Superbeta transistors, 221
Superdiode, 423
Supply regulation, 501
SV filters, 144-147
Switched capacitor, 187-192
Switched-capacitor filters.

See SC filters
SwilcherCAD, 544, 551
Switchers Made Simple, 544
Switches, 428433
Switching regulators, $35-544

basic topologies, 537-539

capacitor selection. 541-543

coil selection, 540, 541

efficiency, 543, 544

monolithic, 544-551. See also
Monolithic switching
regulators

Symmetric notch. 149

T
T. See Loop gain (T)
Tape preamplifier, 123
TC, 502
Temperature coefficient, 227
Temperature control
linear regulators, 529-532

Thennocouple cold-junction
compensators, 518, 519
Thermometer, 590
Third-order loop, 635
Thomson filters, 166
Three-terminal adjustable
regulators, 524
Three-terminal ceference, 511
Threshold detector, 400,
401, 407
THS4401 high-speed VFA, 303
Timer/counter circuits, 469471
Timing diagram, 470
‘TLO80 op amp, 282
TLC279 CMOS op amp. 923
TLE2426 Rail Splitter, 45
T-network photodiode amplifier,
338,339
Tone control, 123-125
Total emor, 615
Total harmonic distortion
(THD), 450
Total output rms noise, 317
Total rms input noise, 333
Total rms output noise, 331, 333
Tow-Thomas filier, 147, 148
Track-and-hold amplifier (THA),

Triple-output Ayback 657
regulator, 550 —_—
INDEX

True difference amplifier, 20

True rms meters, 314

True rms-to-dc converters,
614, 615

2240 timer/counter circuit,
469-471

Two-quadram multiplier, 615

Two-step converter, 591

Two-terminal reference, $11

Type | phase comparalor,
637. 638

Type Ui phase comparator,
639, 640

Type 111 phase comparator,
638, 639

U
Ultralow-noise op amps, 341, 342
Unbalanced bridge

difference amplifiers, 74-77
V-l converters, 68, 69
Uncompensated
differentiator, 357
Undamped, 127
Underdamped, 127

437443
Tracking converter, 585
Track made, 434
Transconductance amplifiers, 5,
63-71. See also
Voltage-to-current
converters
Transducer bridge amplifiers,
91-97
bridge calibration, 93, 94
bridge lincarization, 97
single-op-amp amplifier. 96
strain gauge bridges, 94-96
transducer resistance
deviation, 92, 93
Transducer resistance deviation,
92,93
Transfer curve, 26
Transient response, 275-282
Transimpedance ampliiers,

menolithic temp
sensors, 511,512
valtage regulators, 517-519
Temperature-to-frequency
converter, 488
THA, 437443
THD, 450
-3-dB frequency, 119, 120
Thermal coefficient (TC), 502
Thermal drift, 227
Thermally compensated Zener
diode references. S07-510
Thermal noise, 3122
Thermal voltage, 506

61,294
Transistor noise models, 324
Transition band, 161
Transition frequency. 261
Transmission gate, 432, 433
Transresistance amplifier,
5.61-63
Treble/hass control, 123-125
Triangular-to-sine wave
converston, 475,476
Triangular wave generators,
471476
Triple-op-amp 1A, 79-82

Undamped natural frequency,
127,634
Undervoltage sensing, 533-535
Unity-gain amplifier, 11
Unity-gain frequency, 116,
261,357
Unity-gain KRC circuit, 136-138
Universal filters, 144-150
biquad filters, 147, 148
notch response, 148—150
sensitivity, 152
SV fileers, 144147
Universal SC filters, 198-204
Unloaded current gain, 4
Unloaded transconductance
gain, 620
Unloaded voltage gain, 3
Upper saturation region, 44, 45
UV sensing, 533-535

v

vem, 73

vpMm. 713

Variable gain, 77

Vaniable precision damp, 445

Variable-transconductance
multipliers. 616-618

Variable transconductance
principle, 616

vCO. 473-475

VFA-CFA composite
amplifier, 387

VFAs, 293, 300-30)
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VFC, 486490
VFC32 voltage-to-frequency
converter, 489, 490
V-F converters, 486490
V-1 converters. See
Voltage-to-current
cofverters
Virtual shont, 16
Voltage amplifier, 3
Voltage comparators, 399415
bar graph meters, 412414
general-purpose IC
comparators, 401-406
high-speed comparators,
406, 407
level detectors, 4074097
on-off control, 409, 410
op amp &s, 400, 401
pulse-width modulation,
414,415
response time, 399, 400
uses, 407415
window detectors, 410-412
Voltage compliance, 64, 515
Volage-controlled oscillator
(VCO). 473 -475
Voliage-controlled
sawtooth/pulse-wave
* oscillator, 477
Voltage-controlled state-variable
filter, 626
Voliage-controlled
triangular/square-wave
oscillator, 474
Voltage droop, 434, 435, 440
Voltage droop rate, 435
Voltage-fecdback amplifiers
(VFAs), 293, 300-303
Voltage follower, 11, 12, 356
Voltage gain factor, 3
Voltage-mode control, 544-547

Voltage mode R-2R ladders,
571,572

Howland current pump, 66-68
improved Howland current

Voltage-mode segmentation, 577, pump, 70, 71
578 practical op amp limitations,
Voltage references, 506-519 65, 66
bandgap voliage refe es, i € mi hes, 68, 69
510,511 Voltage-1o-frequency converter
current sources, 515-517 (VFC), 436490
moneiithic temperature VPTATs, 511, 512

sensors, 511, 512
remote sensing, 513, 5t4
temperature-sensor

applications, 517-519

VTC offsetting, 418-420

w
Weighted-capacitor DACs,

thermally compensated 568, 569
Zener diode refi N Weighted-resistor DACs,
507-510 567,568
uses, 512-519 White noise, 316
voliage sources, 514, 515 White-noise floors, 316
Voltage ref iregulators, Wideband ae-dc corverter, 427
495-558

basic connection, 500

linear regulators, 519-535.
See also Lincar regulators

monolithic switching
regulators, 544-551

performance specifications,
500-506

switching regulators, 535-551.
See also Switching
regulators

voliage references, 506-519.
See also Voltage
references

Voltage sources, 514, 515
Voltage-to-current converters,
63-71

finite open-loop gain, 70

floating-type converters,
64, 65

grounded-load converters,
6668

Wideband band-pass filter, 120

Wide-sweep multivibrator VRC,
4837439

Widlar, Robent J., |

Wien-bridge oscillator, 451-456

Window detectors, 410412

X
XR-210/15, 484
XR-2206 function generator,
484486
XR-2206/07 monolithic function
generators, 484
XR-2240 timer/counter, 469-471

Z
Zener diode (as shunt
regulator), 503
Zener zapping, 232
Zero-crossing detectot, 400
Zero-pole cancellation, 284

, ¥
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