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Preface

Introduction

The exponential scaling of feature sizes in semiconductor technologies
has side-effects on layout optimization, related to effects such as inter-
connect delay, noise and crosstalk, signal integrity, parasitics effects, and
power dissipation, that invalidate the assumptions that form the basis
of previous design methodologies and tools. This book is intended to
sample the most important, contemporary, and advanced layout opti-
mization problems emerging with the advent of very deep submicron
technologies in semiconductor processing. We hope that it will stimulate
more people to perform research that leads to advances in the design
and development of more efficient, effective, and elegant algorithms and
design tools.

Organization of the Book

The book is organized as follows. A multi-stage simulated annealing
algorithm that integrates floorplanning and interconnect planning is pre-
sented in Chapter 1. To reduce the run time, different interconnect plan-
ning approaches are applied in different ranges of temperatures. Chapter
2 introduces a new design methodology — the interconnect-centric design
methodology and its centerpiece, interconnect planning, which consists of
physical hierarchy generation, floorplanning with interconnect planning,
and interconnect architecture planning. Chapter 3 investigates a net-cut
minimization based placement tool, Dragon, which integrates the state
of the art partitioning and placement techniques.

Chapter 4 deals with the single-net global routing tree optimization
problem under stringent timing constraints. It is shown that the use
of non-Hanan Steiner nodes is necessary for the maximum sink delay
minimization problem and the specified delay achievement problem, and
techniques for solving these problems are developed. Chapter 5 turns
to techniques for combining routing and delay optimization for two pin
nets. Basic timing-driven maze routing, simultaneous routing and basic

vii



viii Preface

timing-driven maze routing, and buffer insertion algorithms are described
in this chapter. An efficient approach for table-based inductance extrac-
tion and its applications are described in Chapter 6. In addition, the
chapter develops a formulation and an algorithm for simultaneous shield
insertion and net ordering problem for interconnect synthesis of multiple
RLC nets.

As IC interconnects become narrower and are integrated in tighter
physical configurations, more accurate characterization and modeling of
the interconnect and package is demanded. Chapter 7 outlines methods
for accurately characterizing and modeling the interconnect, signal delay,
crosstalk noise, and simultaneous switching noise.

Chapter 8 presents a set of experimental results which show the ef-
fects of floorplanning, number of levels of metals, and supply voltage
on area/delay requirement in digital binary adders designs. This case
study emphasizes the importance of global floorplanning and highlights
the need of new floorplanning algorithms which consider the above pa-
rameters.

To the Professional

The wide and advanced topics in this book make it an excellent hand-
book for researchers on VLSI CAD designs, heuristic algorithms, and
approximation algorithms. Each chapter is relatively self-contained, and
you may focus on topics that are of the greatest interest. You will also
find the extensive bibliography useful to find advanced material on a
topic.
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Abstract

When VLSI technology enters the deep sub-micron era, communi-
cation between different components is significantly increased. Inter-
connect delay also becomes the dominant factor in total circuit delay.
All these make it necessary to start interconect planning as early as
possible. In this chapter, we propose a method to combine interconnect
planning with floorplanning. Our approach is based on the Wong-Liu
floorplanning algorithm. When the positions, orientations, and shapes
of the cells are decided, the pin positions and routing of the intercon-
nects are decided as well. We use a multi-stage simulated annealing
approach in which different interconnect planning methods are used
in different ranges of temperatures to reduce running time. A tem-
perature adjustment scheme is designed to give smooth transistions
between different stages of simulated annealing. Experimental results
show that our approach performs well.

1 Introduction

With VLSI technology entering the deep sub-micron (DSM) era, devices
are scaled down to smaller sizes and placed at an ever increasing proximity.
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At the same time, with the increase of die dimensions, more functions are
integrated into one chip. All these significantly increase the communication
between different components, thus increasing the amount of interconnect
on a chip. Moreover, the scaling down of fabrication geometry also makes
interconnect delay a dominant factor in total circuit delay [3]. These trends
make interconnect planning a neccessary step in DSM design [7].

M1 M2 Ml

M4

M2
M3

M4 M3

Figure 1: Floorplanning greatly influences interconnect structure

Global interconnects have significant influence on system performance in
DSM technologies. Floorplanning, the process of placing functional blocks
on the chip, can significantly affect the global interconnect structure. (Fig-
ure 1 shows two floorplans and their corresponding interconnect structures.)
Many floorplanning algorithms have been proposed in the past 20 years [8,
9,12, 5, 11, 6, 4]. All these algorithms focus on placing the circuit blocks
using simple interconnect cost (e.g., total wire length) to guide the opti-
mization. Without accurate interconnect planning during the floorplanning
process, it is difficult for these algorithms to meet performance constraints
due to unexpected “long” global interconnects resulted in the later routing
stage.

In this chapter we propose a method to combine interconnect planning
with floorplanning. Our approach is based on the Wong-Liu floorplanning
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algorithm [12]. Recall that the Wong-Liu algorithm uses Polish expressions
to represent floorplans and searches for an optimal floorplan using simulated
annealing by iteratively generating Polish expressions. Every time a Polish
expression (i.e., a floorplan) is examined, the shape of the blocks are opti-
mized and the total wire length is used as the interconnect cost. Instead
of using the total wire length, we propose to perform careful interconnect
planning with respect to the current floorplan being considered and obtain
a much more accurate interconnect cost. The comparison of the original
approach and our new approach is shown in Figure 2.

Original
Floorplan \ Compute Floorplan
Generation Wire Length » Evaluation
New

Floorplan Interconnect Floorplan
Generation ) Planning ) Evaluation

1 |

Figure 2: Floorplanning and interconnect planning

The interconnect planning step performs pin assignment and simple-
geometry routing based on L-shaped and Z-shaped wires. Taking advantage
of the nature of simulated annealing, we use different interconnect planning
methods in different ranges of temperatures to reduce the running time. In
particular, we use the conventional wire length estimation by half-perimeter
of net bounding box when temperature is high, use a more accurate inter-
connect cost based on L-shaped routing when temperature is in the medium
range, and finally use Z-shaped routing when temperature is low. In or-
der to implement our multiple cost function scheme, we found that it was
necessary to introduce a temperature adjustment method to cope with the
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intrinsic discontinuities resulted in the process of switching cost functions.

The rest of the chapter is organized as follows. We introduce the al-
gorithms for interconnect planning in Section 2. Section 3 discusses the
multi-stage simulated annealing approach. Section 4 reports the experimen-
tal results for MCNC benchmarks and Section 5 concludes the chapter.

2 Efficient Interconnect Planning

To simplify our discussion, we assume there are two layers for the routing
of global interconnects — one layer for vertical wires and the other layer for
horizontal wires. (However, our approach is applicable to designs with more
than two layers.) We allow different layers to have different design rules,
i.e., the minimum wire width and the minimum spacing in each layer are
different. In order to estimate congestion/routability, we divide the floorplan
into a number of bins by a grid the same way that it is typically done in
global routing [10]. For each bin boundary, we define its capacity as the
maximum number of nets that can cross it. Clearly, the capacity of each
boundary can be easily computed based on its length (or width) and the
design rules (i.e., minimum wire width and minimum wire spacing) for that
layer. If the number of nets crossing a bin boundary exceeds the capacity of
the bin boundary, we say there is overflow. Each global routing solution gives
us the number of nets crossing each bin boundary, thus giving us detailed
congestion/overflow information. Our goal is to plan the interconnects to
avold congestion/overflow as much as possible.

2.1 Pin Assignment

The first step of interconnect planning is pin assignment. After module sizes
and positions are fixed in a given floorplan, we determine the pin positions
on each module. A simple strategy is used for efficiency. For each net,
we connect the centers of the modules in this net and get the intersection
points on the module boundaries as pin positions, as shown in Figure 3.
This simple heuristic makes sense since it tries to minimize total wire length.
Note that each module boundary is partitioned into a number of boundary
segments by the grid. Since each boundary segment can only accomodate
a limited number of pins, we should make sure that the number of pins we
assign to each boundary segment does not exceed its capacity. If segment
overflow occurs, we redistribute some of the pins to neighboring segments.
Another guideline for pin assignment is to evenly distribute the pins so that
no boundary segments are too crowded.
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Figure 3: Pin assignment illustration

2.2 Simple-Geometry Routing

After pin assignment, pin positions are known. We then perform simple-
geometry based global routing to connect the pins. For a net with n pins
where n > 2, we first construct a minimum spanning tree connecting the
pins using the Manhattan distance metric. The net is then decomposed into
a set of two-terminal nets which correspond to the edges of the minimum
spanning tree. After that, we have a set of nets with only two pins. For
each of them, we connect the two pins using simple-geometry routing based
on L-shaped or Z-shaped wires. Since the algorithms for L-shaped routing
and Z-shaped routing are similar, they will be described together. Before
we do simple-geometry routing, we map the pin positions of the nets to
the corresponding bins. We use a sequential routing approach, that is, we
route one net at a time. There are two steps in our simple-geometry routing
algorithms. The first step is to use a stochastic approach to obtain the initial
global congestion information. The second step is to utilize the information
from the first step to route nets one by one.

In the first step, we estimate the congestion on each bin boundary by
the expected number of nets crossing that boundary. Consider a two-pin
net with pins p; = (z1,y1) and ps = (z2,y2). If only L-shaped routes are
allowed, there are at most two routes to connect the two pins, as shown
in Figure 4. Assume that each possible route is equally likely, we can add
1/2 to each bin boundary on the two routes as the net’s contribution to the
expected number of nets crossing that boundary. For Z-shaped routing, we
compute the expected number of nets crossing each bin boundary as follows.
Let m denote the total number of Z-shaped routes connecting p; and py. As
we can see, if £; = x9 or y; = y,, then m = 1. Otherwise, m can be
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computed as follows.

m = |z1 — 22| + [y1 — y2

For each bin boundary e, let m, be the number of possible Z-shaped routes
for the net to cross e. We again assume all routes are equally likely. Clearly,
the net’s contribution to the epxected number of nets crossing e is m./m.
For the example shown in Figure 5 for Z-shaped routing, m = 6 and m, =1
where e is the right boundary of bin(2,3). Thus the net’s contribution to the
expected number of nets crossing e is m./m = 1/6. Putting contributions
from different nets together, we can get the expected number of crossing
nets on each boundary.

Figure 4: L-shaped routing

In the second step, we route one net at a time. When routing a net,
we first remove its contribution from the expected number of crossing nets
at each bin boundary. Then we determine a routing path with minimum
crossing cost. The cost of crossing a bin boundary depends on a few factors.
We use X, to represent the overflow amount on bin boundary e. If there is no
overflow on bin boundary e, let Y, to be the difference between the current
crossing and the capacity of e, and use Z to represent the overlapping length
with previously routed wires belonging to the same (multi-pin) net. We
determine a routing path which minimizes the following quantity: oy X2+
BY1)Y2 — +vZ?%. The first part is a penalty term, meaning that the global
router is penalized because of going through the congested bin boundary.
The second term is a prevention term, that is, the global router prevents from
taking the path that is reaching saturation of the capacity. The third term
is a reward that the router follows previous routes for those two-terminal
nets within a multi-terminal net. After routing a net, if the route crosses
a bin boundary e, its contribution to the expected number of nets crossing



8 H.-M. Chen et al.

e will become 1 to reflect the real route. If the current crossing of the bin
boundary exceeds the capacity, mark this net to be riped-up and re-routed.

Figure 5: Z-shaped routing

For all nets that are needed to be riped-up and re-routed, we process
them in the order from the most congested net, which is crossing the maxi-
mum number of congested bin boundaries, to the less congested ones trying
to remove overflow as much as possible. Then we examine the results by
getting the total square overflow terms of all bin boundaries. If the current
overflow status exceeds the former one, recover the net to its original route.

2.3 Incremental Routing Cost Computation

A direct method to determine the path with minimum crossing cost con-
necting two points is as follows. For each possible path, L-shape or Z-shape,
we need to sum up the crossing costs for all bin boundaries along the path
to get the routing cost of this path. In this way, the time complexity of
examining all L-shaped/Z-shaped paths joining two points is O(n?) in the
worst case, where the grid size is n x n, since the total number of bin bound-
aries crossed by all L-shaped and Z-shaped paths between two points can
be O(n?). 1t then follows that the total time to route N nets is O(Nn?).
In the following we present the idea of incremental routing cost compu-
tation which significantly speed up the cost function computation. For each
(4,7), we define v(4, §) as the accumulated crossing cost starting from the top
bin boundary of bin(i,0) to that of bin(i,j — 1). Similarly, we define h(s, j)
as the accumulated crossing cost starting from the right bin boundary of
bin(0, j) to that of bin(i — 1,7). (See Figure 6, 7.) Note that all (i, j)’s for
a row can be computed in O(n) time, and all v(4, j)’s for a column can be
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computed in O(n) time. Thus all h(4, j)’s and v(4, j)’s can be precomputed
in O(n?) time.

1

Figure 6: v(7, ) is the accumulated cost of shaded bin boundaries

1
Figure 7: h(z,7) is the accumulated cost of shaded bin boundaries

Note that the routing cost for each L-shaped/Z-shaped path can be ex-
pressed in terms of h(4,7)’s and v(z,7)’s. (The number of h(4,j) or v(i, j)
terms in a L-shaped path is at most 4 and that for a Z-shaped path is at
most 6.) For example, the routing cost of the Z-shaped path in Figure 8
can be computed by v(3,3) — v(3,2) + h(3,2) — h(1,2) + v(1,2). So if all
the h(4,7)’s and v(i,7)’s are precomputed, the time for evaluating all L-
shaped/Z-shaped paths between two points is O(n) since there are O(n)
such paths and the routing cost of each path can be computed in O(1) time.
After we route a path, we need to update the h(7,7)’s and v(i,j)’s on at
most three columns/rows, and therefore can be done in O(n) time. If there
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are N nets, the total time for updating h(i,7)’s and v(7,j)’s is O(Nn). As
a result, the total time for routing N nets is O(n? + Nn), which compares
well with the O(Nn?) time direct method. The speed-up is roughly from
cubic to quadratic in runtime.

Figure 8: The routing cost in terms of h(%, j)’s and v(%, j)’s

3 Multi-Stage Simulated Annealing

Among our two interconnect planning approaches, Z-shaped routing is more
accurate than L-shaped routing. But Z-shaped routing is also more expen-
sive than L-shaped routing. Using Z-shaped routing all along will give the
most accurate estimation. However, based on the characteristics of sim-
ulated annealing, we can speed up the procedure without sacrificing the
quality of solutions.

The Wong-Liu floorplanning algorithm [12] is based on simulated an-
nealing which is a technique for solving general optimization problems. The
algorithm moves from one solution to another, trying to find the optimum
solution. It accepts a move with the probability e=2€/T where AC is the
increase of cost by that move and T is the current temperature. When the
temperature is very high, different estimation methods for the cost will not
show much difference on —AC/T. That means it does not affect much in
performance if we use rough cost function at the beginning of annealing.
When temperature gradually decreases, we use more accurate cost estima-
tion. The L-shaped routing estimation is more accurate than the simple
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center-to-center or half-perimeter estimation. Similarly, the Z-shaped rout-
ing is more accurate than the L-shaped routing estimation. Therefore, we
will start with the the center-to-center or half-perimeter estimation, grad-
ually transfer to L-shaped routing, and finally switch to Z-shaped routing.
This multi-stage approach is very effective in reducing total running time.
In fact, multi-stage simulated annealing is just a method to combine
different approaches together in one process. It should be reasonable if
those different approaches used in multi-stage simulated annealing are not
totally different, which means they have a certain degree of correlation. In
this chapter we use a three-stage simulated annealing approach. The first
stage is to get a good initial solution by using only the half-perimeter wire
length estimation. The second stage is to estimate interconnect cost by
using L-shaped global routing. The third stage is to estimate interconnect
cost by using Z-shaped global routing. The transitions between stages are
not very abrupt since they evolve from simple to complex, from rough to
accurate. However, even for very similar estimations, we still need to find a
way to take care of any possible discontinuity in switching cost functions.

3.1 Cost Function Transitions

The cost function used in [12] is A + AW, where A is the total area of the
packing, W is the half-perimeter estimation of the interconnect cost, and
A is a constant which controls the relative importance of these two terms
and is usually set such that the area term and the interconnect term are
approximately balanced. The normal curve of cost versus the number of
iterations of simulated annealing process is shown in Figure 9.

Cost \\

# Iterations

Figure 9: Normal curve of cost versus number of iterations
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In our approach, we use the cost function ¥ = aA + SW +~v0, where A
and W are the same as in [12] and O is the sum of the square of overflow in
routings. Although the format of cost function is identical for three stages of
the process, the content of each term is different. The term W in stage 1 is
obtained by applying half-perimeter method of net bounding boxes; the term
W in stages 2 and 3 are obtained by applying pin assignment and summing
the net length from pin positions. The term O in stage 1 is zero; the term
O in stages 2 and 3 is obtained by applying simple-geometry routing and
computing the congestion/routability estimation of bin boundaries. Because
of the difference of cost functions used in different stages during simulated
annealing process, discontinuities may occur when switching stages. One
possible scenario is that the annealing process will suddenly converge to
suboptimal solution when cost function transition occurs, as shown in Fig-
ure 10. The other possible scenario is that the annealing process will take
much longer time to converge to optimal solution when cost function tran-
sition occurs, as shown in Figure 11. The discontinuities happen because
the temperature is too low for the former scenario and is too high for the
latter one when switching cost functions. In order to cope with the discon-
tinuities resulted in the process of switching cost functions, we introduce a
temperature adjustment method, which is described in the next sub-section.

_ Cost function transition

# Iterations

Figure 10: Abormal curve (solid line) of cost versus number of iterations:
quickly converges to suboptimal solution

3.2 Temperature Adjustment

Simulated annealing uses temperature to control the probability in accepting
uphill moves. We use a temperature schedule of the form Ty, = r+Ty_;, k =
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|
Cost Il

Cost function transition ™. _

# Iterations

Figure 11: Abormal curve (solid line) of cost versus number of iterations:
takes a much longer time to converge

1,2,3, .... Theinitial temperature T is determined by performing a sequence
of random moves and computing the quantity Ag,4, the average value of the
magnitude of change in cost per move. We should have e~ %avs/To = p = 1
so that there will be a high probability of acceptance at high temperatures.
This suggests that T' = —A,yg/In(P) is a good choice for Tj.

In [12], a single cost function is used to evaluate the quality of a solu-
tion. However, in our approach, we use different cost funcitons in different
stages. We know that one major term to decide the acceptance of a so-
lution in simulated annealing is e AC/T  Take the transition between the
first stage and the second stage as an example, the difference of cost in
the second stage is typically larger than that in the first stage. That is,
—~ACyg >> —ACyew- Therefore, the probability of accepting uphill moves
in the iterative-based process will decrease suddenly and the simulated an-
nealing process will end prematurely. For example, when we encounter the
stage transfer from half-perimeter estimation to L-shaped routing, suppose
the current temperature is 100, the average AC,q4 is 20 and the average
ACpew is 100. The probability of accepting uphill moves is e=2Ceta/T = (.8
before switching cost function but it is e~ 2Cnew/T = (.36 after cost function
transition. This abrupt decrease in acceptance probability would result in
quick convergence to suboptimal solution because the current temperature
is too low to sustain the annealing process. Similarly, it i1s possible that
after cost function transition, the acceptance probability will substantially
increase. In this case, that the current temperature is too high results in
slow convergence of the annealing process.

In our approach, in addition to calculating the starting temperature of
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Temperature Adjustment in Simulated Annealing

Accept Ratio

04+

03

02 r

(R

0 20 40 60 80 00 120

Number of Herations

Figure 12: Temperature adjustment

the first stage, we also determine the starting temperature of the second and
the third stages by calculating random move cost with the same approach.
When we reach the transition between first and second stages or between
second and third stages, we compute the starting temperature of the second
or the third stage T' by getting the new average value of the magnitude of
change in cost per move, and using the current acceptance ratio, Peyrr_gcpt,

as a reference probability: T = —Ay, /In(Peurr_acpt)-

Although we use the current acceptance ratio to compute the new initial
temperature during transition, the acceptance ratio will rise. The reason is
that for the very first initial temperature estimation, we measure the term
by random walks, but there exists very few random walk when transition
occurs. We handle this by reducing the temperature much faster than the
usual cooling ratio, until the acceptance ratio goes back on track. Exper-
imental results show that this approach is really helping the continuity of
the simulated annealing process and the quality of performance. (Figure 12
shows the effectiveness of applying temperature adjustment approach. The
curve would have been the one in dotted line: it suddenly drops because of
the abnormal end of the process.)
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4 Experimental Results

We have tested our approach on some MCNC building blocks examples. All
experiments were carried out on a 300MHz Pentium II Intel Processor. In
order to compare the performance of the interconnect planning approach
with that of the original approach [12] in terms of routability, we perform
pin assignment and use Z-shaped routing to route the nets in the final floor-
plans produced by the conventional approach. Figure 13 shows the floorplan
obtained by our pin assignment and interconnect planning approach. Fig-
ure 14 shows the floorplan obtained by the original approach. The dashed
lines are the grid lines, and the thickness of line in the boundaries denotes
the degree of overflow. We can see significant difference in Figure 13 and
Figure 14 for ami49 benchmark in terms of wire overflow, while the packing
areas are about the same (Table 1 and 2). For the five MCNC benchmarks
shown in these two tables, we observe that the new approach produces floor-
plans which are much more routable than the ones produced by the original
floorplanner. Note that the maximum violation in Table 1 indicates the max-
imum amount of overflow occurred in any bin boundary after interconnect
planning, while the total violations indicate the total amount of overflow
occurred in a floorplan. In fact, the new method achieves a significant per-
centage of improvement in maximum violation and total violations without
any area overhead.

Our Floorplanner Floorplanner in [12]
Data n | Time Dead Total Max Dead Total Max
(sec) | Space(%) | Vios(um) | Vio(um) | Space(%) | Vios(um) | Vio(um)
apte 9 277.6 0.99 0.51 0.27 0.86 10.31 3.45
Xerox 10 | 589.7 0.14 0.0 0.0 0.07 23.92 8.88
hp 11 | 141.2 0.30 0.76 0.68 0.61 15.16 3.34
ami33 | 33 | 2220 3.66 1.55 0.64 5.68 15.96 2.64
amid9 | 49 | 4041 2.93 7.68 2.75 3.21 38.62 6.75

Table 1: Experimental results of our approach on MCNC examples, com-
pared with the method in [9]

5 Conclusion

This chapter presents a method to integrate floorplanning with interconnect
planning. Simple-geometry routing is used to efficiently plan wires during
module packing. A congestion cost is combined into the Wong-Liu simu-
lated annealing based floorplanner, and a multi-stage simulated annealing
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Improvement
Data n | #net Total Max
Vios(%) | Vio(%)

apte 9 97 95 92
xerox | 10 203 100 100
hp 11 83 95 80
ami33 | 33 123 90 76
amid9 | 49 408 80 59

Table 2: Performance improvement of our approach on MCNC examples,
compared with the method in [9]

strategy is used to effectively reduce the running time. We further develop a
temperature adjustment approach to cope with the discontinuities resulting
from switching cost functions. Experimental results show that our approach
works well.

This chapter is an extended version of [1]. To further consider han-
dling large number of nets and improving the quality of global interconnect
routing, we refer readers to our recent work in [2].
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The driving force behind the spectacular advancement of the integrated
circuit technology in the past thirty years has been the exzponential scaling
of the transistor feature size, i.e., the minimum dimension of a transistor.
It has been following the Moore’s Law [1] at the rate of a factor of 0.7
reduction every three years. It is expected that such exponential scaling
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will continue for at least another 10 to 12 years as projected in the 1997
National Technology Roadmap for Semiconductors (NTRS’97) [2] shown in
Table 1.!

This will lead to over half a billion transistors integrated on a single chip
with an operating frequency of 2 to 3 GHz in the 70nm technology by Year
2009.

|| Technology (nm) | 250 | 180 | 150 [ 130 | 100 | 70 |
Year 1997 | 1999 | 2001 | 2003 | 2006 | 2009
# transistors 11M | 21M | 40M | 76M | 200M | 520M
Across chip clock (MHz) | 750 | 1200 | 1400 | 1600 | 2000 | 2500
Area (mm?) 300 | 340 | 385 | 430 520 620
Wiring Levels 6 6-7 7 7 7-8 8-9

Table 1: Overall technology roadmap from NTRS’97 [2].

With rapid feature size scaling, the circuit performance is increasingly
determined by the interconnects instead of devices. The study in [4] com-
puted the delays of a minimum size transistor, an average length intercon-
nect (Imm), an un-optimized 2cm global interconnect, and an optimized 2cm
global interconnect in each technology generation predicted in NTRS’97. It
shows that although the intrinsic device delay of a minimum size transistor
will decrease from 70ps in the 250nm technology down to about 20ps in the
70nm technology, the delay of an average interconnect (1mm metal line)
will decrease only from about 60ps to 40ps, while the delays of a 2cm un-
optimized global interconnect (with driver sizing only) will actually increase
from about 2ns to 3.5ns. The delay of an optimized 2cm global interconnect
is also computed after simultaneous driver sizing, buffer insertion, buffer siz-
ing using the interconnect optimization package TRIO developed at UCLA
[5]. Although such aggressive optimization reduces the 2cm global inter-
connect delay by 2x to 5x across different technology generations, it still
does not reverse the trend of a growing gap between device and interconnect
performance. It remains to be around 700ps, and is 20x and 30x that of

INTRS’97 has been updated recently and the new version is called the 1999 Inter-
national Technology Roadmap for Semiconductors (ITRS’99) [3]. The basic trend in
ITRS’99 is the same as that in NTRS’97, although technology advancement is accelerated
in ITRS’99 in certain areas. All the experimental results reported in this chapter are still
based on NTRS’97.
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a minimum size transistor in 100nm and 70nm technologies, respectively.
2 These data also implies that multiple clock cycles are needed for signals
to travel over such optimized global interconnects for gigahertz designs in
nanometer technologies. For example, even for a moderate clock frequency
of 3GHz in the 70nm technology generation, 2 to 3 clock cycles are needed
to travel through the 2cm optimized global interconnect. Note that this
study has already considered the advances in the new interconnect materi-
als as predicted in NTRS’97, with the use of copper at the 180nm generation
and the use of low dielectric constant materials (the dielectric constant de-
creases from 3.55 in the 250nm technology to 1.5 in the 70nm technology).
Although the use of these new interconnect materials is helpful in reduc-
ing interconnect delays, they do not provide the ultimate solution to the
increasing performance mismatch between devices and interconnects. At
best, they improve the interconnect performance by one or two technology
generations, but the global interconnects remain the performance bottle-
neck. These results show clearly that the interconnect delay far exceeds
the device delay and is the dominating factor in determining the system
performance in current and future technology generations.

Signal reliability due to the coupling noise between interconnects is an-
other serious problem in nanometer designs. In order to limit the increase
of interconnect resistance, the wire aspect ratio (height over width) will in-
crease considerably, from its current value of 1.8:1 in the 250nm technology
to 2.7:1 in the 70nm technology as predicted in NTRS’97. The increase of
wire aspect ratio together with the decrease of line-to-line spacing results in
a rapid increase of coupling capacitance. The study in [4] shows that the
coupling capacitance contributes to over 70% of the total capacitance under
the minimum spacing and over 50% under two times (2X) the minimum
spacing in all technology generations. As a result, even for such a moderate
length wire of Imm, with 2x the minimum width and spacing to its two
neighbors, its peak noise reaches over 30% of Vdd in the 70nm generation
[4]. Moreover, the value of crosstalk noise depends on not only the coupling
capacitance of adjacent wires, but also the patterns and relative timing of
the signals on neighboring wires. For example, under different switching
patterns of neighboring wires, the noise value may differ by a factor of 2

2The interconnect process parameters provided in NTRS'97 are for a generic metal
layer. It is likely that global interconnects will be put on higher metal layers, which
have more aggressive reverse scaling. This may help to reduce the global interconnect
somewhat. Although this reverse scaling was not considered in [4], it will not change the
conclusion of the analysis.
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Figure 1: Proposed paradigm shift for interconnect-centric VLSI design.
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Figure 2: An analogous methodology change in software design.

to 3. For high-speed circuits, global interconnects may also be subject to
inductive noise due to the coupling inductance of the interconnects. Both
the capacitive and inductive noises due to the coupling of interconnects
present serious threats to signal reliability in nanometer designs if they are
not controlled properly.

Given the dowinating importance of Jnrerconnects in current and fisure
generations of IC designs, we have been developing a new design method-
ology, named the interconnect-centric design methodology. In conventional
VLSI designs, much emphasis has been given to design and optimization of
logic and devices. The interconnection was done by either layout designers
or automatic place-&-route tools as an afterthought. In interconnect-centric
designs, we suggest that interconnect design and optimization be consid-
ered and emphasized throughout the design process (see Figure 1). Such
a paradigm shift is analogous to the one happened in the software design
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domain of 1970s. In the early days of computer science, much emphasis was
placed on algorithm design and optimization, while data organization was
considered to be a secondary issue. It was recognized later on, however,
that the data complexity is the dominating factor in many applications.
This fact gradually led to a data-centric and object-centric software design
methodology, including development of the database systems and the recent
object-oriented design methodology (see Figure 2). Although algorithms
and data representation/management are integral parts of any software sys-
tem, the shift in viewpoint from algorithm-centric to data/object-centric
designs allows us to effectively manage the design complexity in many large
applications. We believe that development of the interconnect-centric de-
sign techniques and methodology will greatly impact VLSI designs, similar
in the way that database design and object-oriented design methodologies
have benefited software development.

Interconnect planning is the first step and also the centerpiece of our
interconnect-centric design flow. It is applied very early on in the design
process and has tremendous impact on the final result. We further divide
the interconnect planning process into three steps: physical hierarchy gen-
eration, floorplanning with interconnect planning, and interconnect archi-
tecture planning. These are defined in the following paragraphs.

e Physical hierarchy generation: Designs in the nanometer technologies
are inevitably hierarchical given their high complexity. However, the
HDL description provided by the architecture and/or circuit design-
ers usually follows the logical hierarchy of the design which reflects
the logic dependency and relationship of various functions and com-
ponents in the design. Such logical hierarchy may not map well to a
two-dimensional layout solution as it is usually conceived with little or
no consideration of the layout information. This is further evident from
the sub-optimal results produced by many existing hierarchical design
tools which use the logic hierarchy for floorplanning and recursive syn-
thesis, placement and routing. Their results can be considerably worse
than those by (good) flat design tools (when the design complexity is
still tractable). Figure 3 shows an example of the logic hierarchy in the
final layout (obtained by optimizing directly on the flat design). Mod-
ules in the same block in the logic hierarchy have the same grey shading
in the layout. As can be seen, the logic hierarchy does not map directly
into the physical hierarchy. This suggests that enforcing floorplanning
or placement algorithms to follow the logic hierarchy boundary can be
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Figure 3: An example of logic hierarchy in the final layout (Courtesy of IBM). It
is a large ASIC design with over 600,000 placeable objects, designed using IBM’s
SA27E technology (a 0.18um technology with L f = 0.11 ym and using copper
wires).

harmful to the final layout. Therefore, the first step of our interconnect
planning process is to generate a good physical hierarchy that is most
suitable for being embedded on a two-dimensional silicon surface for
performance optimization. Such physical hierarchy generation in fact
defines the global, semi-global, and local interconnects (based on their
levels in the physical hierarchy) and has significant impact on the final
design quality. In Section 2, we present our recent work on multi-level,
multi-way, performance-driven partitioning with retiming as a possible
approach to generating a good physical hierarchy. Retiming is consid-
ered during partitioning so that flip-flops can be repositioned onto the
global interconnects to hide (some) global interconnect latency.

Floorplanning with interconnect planning: After the physical hierar-
chy is generated, the second step is floorplanning with interconnect
planning, which is also called physical-level interconnect planning. It
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interacts closely with the interconnect synthesis tools and plans for
the best interconnect topology, wire ordering, wire width and spacing,
layer assignment, etc., for all global and semi-global interconnects to
meet the required performance. For example, it is estimated that there
will be a large number of buffers to be inserted for high-performance
designs in future technology generations (close to 800,000 in 70nm
technology [4]). If these buffers are distributed over the entire chip
in an unstructured way, it will definitely complicate the layout design
and verification. Section 3 presents a method to automatically plan
for buffer blocks during floorplanning to achieve performance, area,
and routability optimization.

e Interconnect architecture planning: Due to the advance in VLSI fab-
rication technology, such as the use of chemical-mechanical polishing
(CMP) for global and local planarization of insulator and metal levels,
the design rules are no longer completely dictated by the manufac-
turing capability and leave large room for optimization. The goal of
interconnect architecture planning is to take advantage of the degree
of freedom in the process technology and determine various intercon-
nect parameters for overall system-level performance, reliability and
power optimization, subject to the manufacturing constraints. These
parameters include the number of routing layers, the thickness of each
interconnect and isolation layer, the metal resistivity and dielectric
constant of each layer (assuming different material/process may be
used for different layers for performance, yield, and cost considera-
tions), the nominal width and spacing in each layer, vertical intercon-
nection schemes (e.g., via dimensions and structures), and so on. Such
interconnect architecture planning should consider a given design char-
acterization (specified in terms of the target clock rate, interconnect
distribution, depths of the logic network, etc.) obtained after physical
hierarchy generation and floorplanning with interconnect planning. In
some cases, such optimization requires adjustments in the fabrication
process, which is more suitable and economical for high-volume designs
(such as microprocessor designs) or a class of designs with similar de-
sign characterizations. We present in Section 4 our work on wire-width
planning as an example of interconnect architecture planning, whose
objective is to predetermine a small number of common wire widths
in each layer so that they can be used for optimizing interconnects of
a wide range of lengths in that layer.
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The next three sections highlights our progress on physical hierarchy
generation, floorplanning with interconnect planning, and interconnect ar-
chitecture planning. In Section 5, we present how these interconnect plan-
ning techniques are used in our interconnect-centric design flow.

2 Performance-Driven Partitioning with Retiming

As we explained in the previous section, the first, and probably the most
important step of interconnect planning process, is to transform the logic
hierarchy implied in the design specification into a good physical hierarchy
so that it is most suitable for being embedded on a two-dimensional sili-
con surface for performance optimization. We believe that this step can
be achieved using (possibly recursive) partitioning and floorplanning/coarse
placement with careful consideration of the impact on interconnect perfor-
mance. Traditionally, partitioning is viewed and used as a mean to en-
able the divide-and-conquer methodology to tackle the design complexity
(as used, for example, in the min-cut based placement approach). In our
interconnect-centric design flow, however, we view top-down partitioning as
a step that defines the interconnects — the connections between different
blocks resulted from top-level partitioning become global interconnects, and
the connections within the same block after several steps of partitioning be-
come local interconnects. After applying partitioning recursively (sometimes
together with coarse placement), we can define a hierarchy of interconnects,
which in turn defines the physical hierarchy of the given design. In order to
achieve this objective, we have developed a performance-driven partitioning
algorithm with consideration of retiming. Our algorithm, named HPM, is
different from the conventional partitioning algorithms in two ways.

o The HPM algorithm is targeted for performance optimization. Most
conventional partitioning algorithms consider only cutsize minimiza-
tion. Although this tends to minimize the total number of global in-
terconnects, it does not consider the impact of the partitioning result
on the overall circuit performance. For example, it is not desirable to
have multiple global interconnects in a timing-critical path (recall that
shows that the delay of 2cm global interconnect is about 10X to 20X
larger than that of a Imm local interconnect [4]). Yet the conventional
partitioning algorithms make no effort to avoid such configuration.
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e The HPM algorithm considers retiming during partitioning to hide
(some) global interconnect latency. The benefit of considering retim-
ing during partitioning can be illustrated by using a simple motiva-
tional example shown in Figure 4. The two partitioning solutions (a)
and (b) both have the same cutsize of 1 and delay of 4, assuming
that each node delay is 1, the intra-block connection delay is 0, and
the inter-block connection delay is 2. The critical paths are shown
in thick lines. Let us apply optimal retiming to both solutions. For
solution (a), retiming cannot help to reduce the delay (see Figure 4
(c)). However, retiming can reduce the delay of solution (b) from 4 to
3 by repositioning of the flip-flops to hide part of the large inter-block
delay (see Figure 4 (d)). This example suggests clearly that we can
hide some global interconnect delay latency with proper consideration
of retiming as we define the global interconnects during partitioning.
We would like to emphasize that retiming over global interconnects
is especially important to multi-giga hertz designs. As we pointed in
Section 1, multiple clock cycles are needed to cross a global intercon-
nect for multi-gigahertz designs in nanometer technologies. This can
only be achieved with retiming and pipelining on global interconnects
in synchronous designs. 3

Given a sequential circuit, the HPM algorithm computes a partitioning
solution with the minimum clock period under retiming with possible node
replication. The area of each block in the partitioning solution is bounded
by a given number A. For delay computation, the HPM algorithm assumes
each gate v has a delay of d,, each global interconnect between blocks has a
delay of D, and each local interconnect delay within each block is 0.4 The
computation of the minimum clock period is achieved by solving a sequence
of the decision problem formulated as follows: For a sequential circuit with
a given target clock period ¢ and a given area bound on each block, decide
if there exists a partitioning solution with a clock period of no more than ¢

3 Asynchronous design has the potential not to be limited by the global interconnect
delay. In particular, a globally asynchronous, locally synchronous (GALS) is a promising
design method that is currently being studied by the researchers in the Gigascale Silicon
Research Center (GSRC). The detailed discussion of this topic is beyond the scope of this
chapter. The reader may refer to related publications at http://www.gigascale.org for

more details.

“This simplification is based on the fact that we lump the average local interconnect
delay into the node delay d,, based on the assumption that local interconnect delays do
not vary much.
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Figure 4: Advantage of simultaneous partitioning and retiming for delay mini-
mization. Critical paths are shown in thick lines.

under the given delay model after retiming and possible logic replication.
The HPM algorithm integrates several recent advances in circuit parti-

tioning in developing a highly efficient performance-driven partitioning al-

gorithm with retiming. The concepts and techniques used in HPM include:

The iterative label computation technique to test the feasibility of a
proposed clock period under simultaneous partitioning and retiming

[6].

The highly efficient label computation procedure based on the mono-
tone property of the label computation and the efficient longest path
computation [7].

The multi-level partitioning paradigm, which has led the best cutsize
minimization based partitioning package hMETIS [8]

An eflicient performance-driven clustering algorithm (PRIME) with
retiming [7].

An efficient multi-level clustering algorithm based on global edge sep-
arability for cutsize minimization [9].
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Figure 5: Main flow of the HPM algorithm along with the illustration of its
multi-level cluster hierarchy.

e The multiway partitioning framework [10] to overcome the limitation
of the recursive bipartitioning approach.

In particular, the HPM algorithm employs the multi-level partitioning
framework as shown in Figure 5. Over the past twenty years, multilevel
methods have been studied extensively as a means of accelerating numer-
ical algorithms for partial differential equations [11, 12]. Application area
are quite diverse, including image processing, combinatorial optimization,
control theory, statistical mechanics, quantum electrodynamics, and linear
algebra. Multilevel techniques for VLSI physical designs are currently an
area of intensive research activity. Much progress has been made 1n multi-
level circuit partitioning and placement. hMETIS [13] produces the best
cut size minimization in circuit partitioning, and mPL [14] achieves com-
petitive circuit placement with over 10x speed-up on designs with over 200K
movable objects. The use of multi-level approach makes it feasible to ex-
tract the physical hierarchy from the flat design (which may consist of tens
of millions of gates resulted from flattening the logic hierarchy).

The multi-level method is used in the HPM algorithm as follows. During
the clustering phase of the HPM algorithm, a performance-driven clustering
method with consideration of retiming (7] is used to build the base-level
clustering structure to ensure the best possible subsequent retiming. Then it
builds a multi-level clustering structure based on the global edge separability
metric for cutsize minimization [9]. During the refinement phase of the HPM
algorithm, simultaneous cutsize and performance-driven partitioning [15] is
performed. It adopts a recently developed multiway partitioning framework
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[10] to overcome the limitation of the recursive bipartitioning approach. As
a result, the HPM algorithm produces partitioning solutions that are (a) 7%
to 23% better in terms of delay compared to the best-known cutsize-driven
bMETIS algorithm [8] with 19% increase in cutsize, and (b) 81% better in
terms of cutsize compared to the best-known delay-driven PRIME algorithm
[7] with only a 6% increase in delay.

Using the HPM algorithm, we generate the physical hierarchy as fol-
lows. Given a complex design specified in some HDL description (say either
VHDL or Verilog language) in a hierarchical representation, we shall first
perform a quick RTL synthesis and flatten the functional hierarchy as much
as possible, down to a netlist of simple functional units (such as adders
or decoders, but not necessarily gates) and pre-designed IP blocks. Then,
we shall apply either the 2-way HPM algorithm recursively or the multi-way
HPM algorithm with coarse placement to generate a good physical hierarchy
for subsequent interconnect planning and synthesis steps.

The delay model used in HPM is simplistic as it assumes that all global
interconnects have a uniform delay D. This assumption is due to the lack
of physical information of the blocks generated by the HPM algorithm.
Currently, the HPM algorithm is being extended to perform coarse place-
ment /floorplanning together with partitioning and retiming [16]. It shows
that the coarse placement operation can be naturally integrated into the
multi-level framework used in the HPM algorithm. The placement infor-
mation provides much more accurate global interconnect delay estimation
and allows the possibility of repositioning flip-flops to the middle of a long
global interconnect (not just at its two ends). Experimental results show
that combining partitioning, coarse placement, and retiming can provide an
additional 23% delay reduction compared to the physical planning results
obtained by separate performance-driven partitioning followed by floorplan-
ning. Given the efficiency and quality produced by the HPM algorithm (es-
pecially when combined with coarse placement), we believe that it is capable
of extracting good physical hierarchies for large-scale designs in nanometer
technologies.

3 Buffer Block Planning

After the physical hierarchy is generated, the second step of the interconnect
planning process is floorplanning with interconnect planning. Traditional
floorplanning algorithms focus on dimensions and placement of functional
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blocks but ignore the interconnects associated with the design. We believe
that floorplanning needs to interact closely with the interconnect synthesis
tools to plan for the best interconnect topology, wire ordering and width,
wire spacing, layer assignment, etc., for all global and semi-global inter-
connects in order to achieve the best possible circuit performance. As an
example, we present here our recent work on automatic buffer block gener-
ation during floorplan design [17].

|| Technology(nm) [ 250 [ 180 | 130 [ 100 | 70 |
|| #buffers per chip | 5K | 25K | 54K | 230K [ 797K ||

Table 2: The number of buffers estimated for a high-performance design in each
technology generation.

As shown in many recent studies (such as [18]), buffer insertion is a
very effective technique to reduce the delay of long interconnects. Table 2
shows the number of buffers estimated for a high-performance design in each
technology generation [4]. It is estimated that close to 800,000 buffers will
be inserted in high-performance designs in the 70nm technology [4]. If so
many buffers are arbitrarily distributed over a chip, it may cause several
problems: (a) it makes it difficult to use/reuse pre-designed IP blocks, (b)
it may complicate global/detailed routing and power/ground distribution,
and (c) it may result in excessive area increase without proper planning. To
overcome these problems, we propose to group buffers into buffer blocks.
We have formulated the following buffer block planning (BBP) problem:
Given an initial floorplan and the performance constraints for each net,
we want to determine the optimal locations and dimensions of the buffer
blocks such that the overall chip area and the number of buffer blocks after
buffer insertion are minimized, while the performance constraint for each
net is satisfied (assuming that it can be met by optimal buffer insertion).
The output from our buffer block planning consists of the number of buffer
blocks, each buffer block’s area, location, and corresponding nets that use
some buffer in this buffer block to meet the delay constraints.

Our study first shows that given a two-pin net, the feasible region (FR)
for a buffer B, defined to be the maximum region where B can be located
while still meeting the delay constraint, is quite large. The feasible region
of a buffer can be computed according to the following theorem.
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Theorem 3.1 Given the route from the source to the sink, for a given delay
constraint Treq, the feasible region [Tmin, Tmaz] for inserting one buffer is

Tmin = MAX (0, (K2 - \/K22 - 4K1K3) /2K1) (1)
Tmaz = MIN ( l, (K2 +/K2— 4K1K3) /2K1> (2)

where

K1 = Trc
K, = (Rb - Rd)c + T(CL - Cb) + rcl
Ks RyCy + Ty + Re(CL + cl) + 1/2rcl? + 7ICL — Treg,

T 1s the unit length wire resistance, ¢ is the unit length wire capacitance, Tj
is the intrinsic delay for the buffer, Cy is the input capacitance of the buffer,
and Ry is the output resistance of the buffer. a

The proof of this theorem is available from [19]. Note that for Eqn.
1 and 2 to be valid, K22 — 4K, K3 > 0 shall hold. Otherwise, no feasible
region exists, and the initial floorplanning/timing budget has to be modified.
Figure 6 shows the FR for inserting one buffer to an interconnect of length
from 6mm to 9mm in the 0.18um technology specified in NTRS’97. We
first compute the best delay Tj,: by inserting one buffer, then set the delay
constraint to be (1 + §)Tpess, with § varying from 0 to 50%. The x-axis
shows the value of § and the y-axis shows the length of the corresponding
FR, i.e., Tyuaz — Tmin- It is interesting to see that even with a fairly small
amount of slack, say 10% of T, the FR can be as much as 50% of the
total wirelength!

When the route from the source to the sink is not specified, the feasible
region is not just an interval, but a two-dimensional region which is the union
of the one-dimensional feasible regions of all possible routes from source to
sink. The optimal buffer locations, in this case, form a line segment of
slope +1 or -1, for buffer insertion. Figure 7 shows an example of a two-
dimensional feasible region with some routing obstacles. Obviously, routing
obstacles need to be deducted from the feasible region computation.

When multiple buffers between the source and the sink of a net are
needed to meet the delay constraint, we can compute the feasible region of
each buffer again using an analytical formula similar to that in Eqn. 1 and
2, assuming that all other buffers are taking their optimal positions [17].
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Figure 6: The distance of feasible region for inserting a buffer under different delay
constraints specified by § for length 6mm to 9Imm wires in the 0.18um technology.
The x-axis shows the value of § and the y-axis shows the length of the corresponding

feasible region.

Figure 7: Two-dimensional feasible region. The existing circuit blocks act as
obstacles for buffer insertion.
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Theorem 3.2 For a long interconnect with k buffers inserted, the feasible
region for the i-th buffer (i < k) 1s z; € [Tmin(k, %), Tmaz (k,1)] with

K! — K'2~4K’K’
Tmin(k,i) = MAX (0, L i ! 3)

2K

KL+ /K2 — 4K'K!
Tman(k,i) = MIN (z, 2 2 ! 3)

oK,

where K|, K} and K} are functions of k and i (for simplicity of notation,
we drop them in the above equations) with

1 N (k+ Dre
Kk = ae=iv)
' N (Rp — Rg)c r(CL — Cy) + rcl
Kz(k:,’t) - i + k_i+1
Loy . (k= d)rl
K3(k‘, Z) = k‘Tb - Treq + Rd + (Z - I)Rb + m . Cb
Ry[(k = 1)Cy + C1 + l]+—ml2 +riC
+ Ryl b+ CL+c =i+ D) riCy,
_ (E=1)e(Ry — Rg)*  (k—i)r(Cy— Cr)?
2ir 20k —i+1c

O

In this case, however, after a buffer is placed (i.e., “committed”) to a
position within its feasible region, we need to update the feasible regions
of all other unplaced buffers of the same net to safely meet its delay con-
straint. Since we have an analytical formula, this update can be computed
in constant time. A more recent study suggests a way to compute more
conservative feasible regions to allow multiple buffers to be placed or moved
simultaneously without violating the performance constraints [20].

Given the efficient procedures for computing feasible regions for buffer
insertion, our buffer block planning algorithm works as follows. First, it
builds the horizontal and vertical polar graphs of the given floorplan to keep
track of available space for buffer insertion. The available space is divided
into tiles. An area slack is computed for each tile, which measures the
impact on the overall chip area if the tile area is increased. The algorithm
iteratively chooses the tile with the maximum area slack and inserts a buffer
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with the least flexibility (i.e., the minimal feasible region) into this tile.
The area slacks of tiles and the feasible regions of the affected buffers (for
multiple-buffer nets) may need to be updated after each buffer assignment.
It was shown in [17] that this simple buffer planning scheme works well,
mainly due to the large degree of freedom from feasible regions for buffer
insertion. Experimental results show that the proposed algorithm can reduce
the number of buffer blocks by a factor of 2.4x with smaller chip area and
a better chance of meeting timing constraints and smaller overall chip area.

4 Wire Width Planning

After physical hierarchy generation and floorplanning with interconnect plan-
ning, we know the wirelength distribution on each layer. In this case, it is
possible to perform interconnect architecture planning for each layer for op-
timizing the performance and cost of the overall design as discussed in the
beginning of Section 1. This section presents our results on wire width plan-
ning, which is part of our overall effort on interconnect architecture planning.
As shown in a number of recent studies (see [18] for a summary), wire sizing
is an effective technique for reducing interconnect delays. However, having
many different wire widths will considerably complicate the layout design,
especially the routing process. Therefore, it is interesting to investigate the
possibility of using a small set of predetermined “fixed” widths in each layer
to get close to optimal performance for all interconnects in a wide range of
wirelengths in that layer (not just one length).

Given the wirelength distribution in each layer (which can be obtained
accurately after floorplanning with interconnect plannmg) the wire-width
planning problem is to find the best width vector W for that layer such that
the following objective function

®( i ) = | " - FO7 Dl 3)

min

is minimized, where A(l) is the distribution function of wirelength [, lmn
and lmaw are the minimum and maximum wirelengths for this metal layer,
and f(W,1) is the objective function to be minimized by the design. In this
study we choose f(I) to be of the form AW, DE T*(W 1), where A(W, )
and T(W 1) denote the area and delay using W. For one-width design, w
has only one component W. For two-width design, W has two components
W, and Wo. If we set j = 0 and £ = 1 in Eqn. (3), the objective is to
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achieve the best delay. Insisting the minimum delay in wire sizing can be
very costly in terms of wire width, as the delay/width curve is very flat
while approaching the optimal delay. Our empirical study suggests that
the AT* metric (i.e., = 1 and k = 4) leads to area-efficient performance
optimization in general. For example, it was shown in [21] that under the
0.10 um technology, optimal one-width solution for a 2cm interconnect under
the AT* metrit uses over 60% smaller wiring area with only a 10% increase
in delay compared to that obtained for delay optimization only. The wire
width planning results presented in this section uses the AT* metric. But
our solution technique is general for optimizing other metrics as well.

Our approach to the wire width planning problem is fairly straightfor-
ward. We find the best one-width or two-width pair to minimize the ob-
jective function in Eqn. (3) by exhaustive enumeration through all possible
widths or all possible wire-width pairs, respectively. This method clearly
cannot scale to find a wire-width planning solution with many widths. But
this is not a problem, as we are only interested in finding a very small num-
ber of widths per layer as the planning solution. Using this approach, we in
fact have achieved a rather surprising result which suggests that two prede-
termined wire widths per metal layer are sufficient to achieve near-optimal
performance for a wide range of nets in that layer.

For example, for layers 7 and 8 in the 0.10um technology, assuming
that the wirelength in this layer pair is evenly distributed from 7.57mm to
24.9mm (according to the wirelength distribution model described in [21]),
our wire-width planning tool suggests that the best one-width is 1.98um,
and that the best two-width design consists of wires of widths 1.0um and
2.0pum. Table 3 shows the comparison of using the one-width, two-width,
and many-width designs by running GISS (global interconnect sizing and
spacing) algorithm presented in [22]. Three different pitch-spacings (denoted
as pitch-sp in Table 3) between adjacent wires in layers 7 and 8 of the
0.10pm technology are used. For each pitch-sp, we compare the average
delay, the maximum delay difference (in percentage) from GISS (AT, ) for
all lengths, and the average width. For pitch-spacing of 2.0 um, one-width
design has an average delay about 14% and 20% larger than those from the
two-width design and the many-width design, respectively. Moreover, it has
an average wire width (thus area) about 1.83x and 1.92x of those from two-
width design and many-width design, respectively. The two-width design,
however, achieves close to the optimal delay as computed by the many-
width design obtained by the GISS algorithm (just 3 to 5% larger) and uses
only a slightly larger area (less than 5%) than that of the multi-width design
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using GISS. When the pitch-spacing becomes larger, the differences between
one-width, two-width, and many-width designs get smaller.

In Table 3, we also list the maximum delay difference (AT},q,) between
the one-width and two-width designs compared to the many-width design.
It is an important metric as it can bound the error of the corresponding
wire-width planning solution under any length distribution function A(l) in
Eqn. (3) according to the following result.

Theorem 4.1 If |—fizv—flgv%/—{(;j)v—l2| < Omag for any l € (Lnin, lmaez), then for

any distribution function A(l), we have

@(W,lmimlmaz) - q)(W*alminalmax) <§ (4)
= > Omaz-

(I)(W*almimlmaz)

O

For the two-width design shown in the table (derived from uniform dis-
tribution A(l) = 1), since the maximum delay difference AT, is only 3.9%
to 7%, according to Theorem 4.1, one can conclude that this two-width de-
sign will differ from the optimal design (using possibly many widths) by at
most 3.9% to 7% for any distribution function A(l). The reader may refer
to [21] for more details.

Scheme pitch-sp=2.0 um pitch-sp=2.9 um pitch-sp=3.8 um

Tovg | Almas |aVE-W| Toyg | AT mas |aVE-W | Tovg | ATmaes | aVE-W
one-width |0.245| 28.2% | 1.98 |0.177| 15.7% | 1.83 {0.143| 5.9% | 1.63
two-width |0.215{ 7.0% | 1.08 [0.167] 5.9% | 1.23 |0.140] 3.9% | 1.41
many-width | 0.204 - 1.03 10.159 - 1.19 |0.136 - 1.38

Table 3: Comparison of using one-width design, two-width design and many-width
design (up to 50x min width) using GISS for wire sizing and spacing. Layers 7 and
8 of 0.10um technology are used, with wirelength ranging from 8.04 to 22.8mm.
Driver size is assumed to be 250x min size.

The fact that two widths are sufficient for each layer greatly simplifies the
detailed routing problem (a full-blown gridless router may not be necessary)
and possibly other problems, such as RC extraction and layout verification.
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5 Interconnect Planning in an Interconnect-Centric
Design Flow

In the past several years, our research group at UCLA has been developing a
novel interconnect-centric design flow and methodology that emphasizes in-
terconnect planning and optimization throughout the entire design process.
Such a flow goes through the following three major design phases: (1) inter-
connect planning, which includes physical hierarchy generation, floorplan-
ning with interconnect planning, and interconnect architecture planning; (2)
interconnect synthesis, which determines the optimal or near-optimal inter-
connect topology, wire ordering, buffer locations and sizes, wire width and
spacing, etc., to meet the performance and signal reliability requirements
of all nets under the area and routability constraints; and (3) interconnect
layout, which carries out detailed routing to implement the complex width
and spacing requirements of all wires using a flexible and efficient multi-layer
general-area gridless routing system.

Figure 8 shows an overview of our proposed interconnect-centric design
flow. The two modules on the right-hand side are two supporting modules.
The TRIO (Tree, Repeater, and Interconnect Optimization) library con-
sists of a set of efficient interconnect optimization routines determines the
optimal interconnect structure of each net in terms of interconnect topol-
ogy, wire width and spacing, buffer locations and sizes, etc., to meet the
performance and signal reliability requirements. The IPEM library consists
of a set of fast and accurate interconnect performance estimation models
(IPEMs) with consideration of various optimization techniques, including
optimal wire sizing (OWS), simultaneous driver and wire sizing (SDWS),
and simultaneous buffer insertion, buffer sizing and wire sizing (BISWS).
These IPEMs are very efficient (constant run time in practice), and provide
high-level abstraction. In addition, they provide explicit relations between
the interconnect performance and layout design parameters under various
kinds of optimization, which helps to make design decisions at high levels.
These models have been tested on a wide range of parameters and have
about 90% accuracy on average compared with those running complex op-
timization algorithms in TRIO directly (in terms of the delay measured by
HSPICE simulations) [23, 21].

The modules in the center column of Figure 8 show the major steps in
our interconnect-centric design flow: In order to cope with the design com-
plexity of giga-scale integration in the nanometer technologies, we would
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Figure 8: Overview of our interconnect-centric IC design flow.
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like the designer (or the design team) focus on designs primarily at the
architecture or conceptual level. Given a design specification (usually in
a HDL specification such as Verilog or VHDL) as the output of the ar-
chitecture or conceptual level design, our interconnect-centric flow first goes
through the interconnect planning phase which transforms the functional hi-
erarchy embedded in the HDL specification into a good physical hierarchy,
performs coarse placement with global interconnect planning and intercon-
nect architecture planning (when appropriate). It is possible for physical
hierarchy generation to be performed together with coarse placement and
global interconnect planning at the same time, as the global placement and
interconnect planning usually influence the physical hierarchy generation.
Interconnect performance estimation models (IPEMs) are used extensively
during interconnect planning for predicting the performance of the optimized
interconnects. After physical hierarchy generation, coarse placement with
global interconnect planning, we shall have a good first-order estimation of
the overall circuit performance (which is determined primarily by global in-
terconnects). We can quickly provide feedback to the designer to indicate
if the proposed architectural or conceptual level design is feasible. There-
fore, the designer can quickly iterate with the interconnect planning tool to
evaluate multiple architecture or micro-architecture designs, and converge
to the most promising one(s) for further refinement.

After interconnect planning, the next of phase of the design flow is syn-
thesis and placement for each module under the physical hierarchy, as shown
in the shaded box in Figure 8. Currently, we are using off-the-shelf synthesis
and placement techniques for this step (such as using the Design Compiler
from Synopsys or the SIS/VIS package from UC Berkeley for logic synthe-
sis and the TimberWolf or GordianL package for placement). We tend to
believe once the physical hierarchy and global interconnects are defined, ex-
isting synthesis and placement algorithms can work well at the module level
which contains mainly local interconnects, as argued in [24]. In particular,
gain-based synthesis can be used to synthesize small to medium size logic
blocks under the physical hierarchy [25, 26]. We are also starting a new
project at UCLA on placement-driven synthesis to investigate if one can
improve the result from this step significantly by combining synthesis and
placement at the module level.

Once synthesis and placement for each module is determined, we per-
form interconnect synthesis, which includes performance-driven global rout-
ing with various interconnect optimizations for delay optimization, followed
by pseudo pin assignment with noise optimization. The TRIO library is
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used extensively during interconnect synthesis for determining the best in-
terconnect structures for delay and noise optimization.

Finally, a gridless routing system is used to complete interconnect layout
to implement various kinds of optimized interconnect structures. It includes
a coarse grid based route planning engine and an efficient point-to-point
gridless routing engine working on the implicit representation of the under-
lying non-uniform grid graph.

All these modules have been implemented, and they interact through a
common hierarchical data model (HDM) shown on the left-hand side of Fig-
ure 8. The HDM provides a complete functional and physical representation
of the design, including the structural view, the functional view, the phys-
ical view, and the timing view so that logic transformation, interconnect
planning/optimization, or layout design can be carried out at every phase
of the design process.

More detailed description of various modules in the flow is available from
[27]. Currently, each module in this design flow has been fully verified and
has shown very promising results. We are in the process of performing
integrated test of the overall flow and design methodology. We are inte-
grating all the modules into the proposed interconnect-centric design flow
and running several complete designs through such flow. We hope to re-
port complete experimental results in the near future. We believe that such
an interconnect-centric design flow will effectively bridge the gap between
high-level design abstraction and physical-level implementation, reduce or
eliminate the uncertainty due to interconnects on system performance and
reliability, and assure design convergence between synthesis and layout.

6 Conclusions

In this chapter, we first identified the needs for interconnect planning, which
is a step missing in the current design flow, but the centerpiece of a interconnect-
centric design flow for nanometer technologies. We divided the intercon-
nect planning process into three steps: physical hierarchy generation, floor-
planning/coarse placement with interconnect planning, and interconnect ar-
chitecture planning. We developed efficient algorithms for each step and
demonstrated the potential gains that one may achieve from interconnect
planning. Finally, we showed how interconnect planning can be integrated
in an interconnect-centric design flow. We would like to emphasize that
although significant progress has been made on interconnect planning as
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reported in this chapter, we are still actively working in this area to gain
deeper understanding and search for better solutions.
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1 Introduction

Placement is a classical problem in VLSI physical design. A lot of effective
placement tools have been proposed in the last twenty years [1, 2, 3, 4, 5].
Previous work on the placement problem falls into two classes: construc-
tive and iterative. It is generally believed that iterative approaches can
produce better results than constructive approaches but are slower. The in-
tense competition is driving the electronic design automation tools to finish
designs in the shortest amount of time. When the circuit size gets larger
and larger, quality degradation is expected for the flat iterative approaches.
The multi-level hierarchical technique is regarded indispensable for solving
today’s complex VLSI placement problem without sacrificing quality. Most
recent placement tools [1, 3, 4, 5] employ hierarchical approaches, including
top-down annealing approaches [3, 5] and recursive quadratic methods [1, 4].

Orthogonal to the hierarchical approach, partitioning is also considered
very effective when dealing with large circuits. Partitioning approaches are
often used together with the hierarchical approaches. These hierarchical
partitioning approaches are based on repeated division of a given circuit
into subcircuits to optimize a given partitioning objective. However, they
were out-performed by iterative placement tools in small circuits. Up to
now, TimberWolf [3], a simulated annealing (SA) based placement tool, has
been the performance leader among university standard-cell placement tools
ever since its first release in 1985.

In addition to minimizing wirelength, meeting timing specification is a
more important problem in modern VLSI physical design. A number of of
timing-driven placement approaches have been proposed. These approaches
can be classified into two major categories: path-based algorithms and net-
based algorithms. Path-based approaches analyze path delays explicitly and
try to satisfy both timing requirements and physical requirements simultane-
ously [6, 7]. Net-based algorithms transform timing constraints into weights
8,9, 10] or budgets [11, 12, 13, 14] assigned to nets and use these weights and
budgets to guide the placement process. Path-based approaches are more
accurate but computationally expensive since a set of path delays have to
be maintained during the placement stage. On the contrary, net-based ap-
proaches are inherently fast but lack accuracy. Both types of timing-driven
approaches need to be constructed based on a good wirelength-driven place-
ment framework.

Recently, with the advances in multi-level circuit partitioning technique
[15, 16], several academic placement tools have been designed and imple-
mented. Capo [17], Feng Shui [18] and Dragon [19] are three examples.
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They have the following common features:

e They can handle large industrial circuits (e.g. 200,000 modules);

¢ They employ the multi-level partitioning technique, hMetis [15] or ML-
Part [16];

e They can produce good placements in terms of total bounding box
wirelength within a short amount of time.

In this chapter we investigate one of these placement tools, named Dragon,
to review the modern techniques in circuit placement. We argue that the
top-down hierarchical approach is the correct way to solve the large sized
placement problem. The study on the interaction between wirelength and
net-cut objectives shows that minimizing net-cut is an important shortcut
to reduce total wirelength in placement. We also propose a “+1 level” clus-
ter based moving technique to improve wirelength objective, and examine
the effect of traditional terminal propagation technique in different place-
ment schemas. Experiments to evaluate the placement approaches are per-
formed on both old MCNC benchmark suits and recent industrial circuits 1.
Comparing to highly optimized commercial placement tool, iTools (formerly
TimberWolf), Dragon can produce slightly better placement results using
much less amount of runtime (2x speedup) on a single processor machine.

We also discuss a priori wirelength estimation based on the well known
Rent’s Rule [21]. Two different Rent exponents, partitioning Rent exponent
and placement Rent exponent, are defined in this chapter. The relationship
between them is analyzed and experimentally validated. The experiments
show that the Rent exponent obtained from placement output could be a
measure of quality of the placement tool.

The rest of the chapter 2 is organized as follows: In Section 2, we briefly
describe the flow and algorithms used in Dragon. In Section 3, we theo-
retically analyze the relationship between the net-cut and the wirelength
objective and argue that net-cut is important in solving placement prob-
lem. In Section 4, we will explain the detailed implementation of Dragon.

! Almost all previously published placement algorithms use MCNC standard-cell bench-
mark suite for testing. This suite was released in 1992 with most circuits having less than
30,000 cells. However, circuits designed in today’s industry have typically more than
100,000 cells. In 1998, Alpert modified and released 18 industrial circuits from IBM to
form the ISPD98 partitioning benchmark suite [20]. They are much larger than MCNC
circuits (from 10,000 to 200,000 cells). Although they were originally released for the
purpose of partitioning, they can also be modified and used in placement.

ZPart of work related to this chapter has been published in several conferences: [19] in
ICCAD 2000, [22] in ISPD 2000, and [23] in SLIP 2001.
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Comparison experimental results will be shown in Section 5. In section 6 we
discuss the wirelength estimation problem based on the analysis of different
Rent exponents. The conclusion remarks are made in Section 7.

2 Overview of Dragon

As circuits get larger, the placement problem for VLSI physical design can
only be solved effectively using hierarchical approaches due to the expo-
nentially growing solution space. VLSI designers tend to design circuits
hierarchically. This also gives hierarchical placement algorithms big advan-
tages over other placement algorithms. The top-down based hierarchical
approach is the backbone of our placement tool, Dragon. In this section, we
will have a brief overview of the general hierarchical placement approaches
and algorithms used in Dragon.

A typical top-down hierarchical placement approach can be generalized
as follows: at a given hierarchical level, the layout area is partitioned into
several global bins. All cells of the circuit will be distributed into these
global bins to minimize a certain placement objective. This cell distribution
problem is called a hierarchical placement problem. If a cell is distributed
into a particular global bin, it will be placed within the area of this bin in
the final layout. As we proceed to finer levels, the number of global bins
increases and the physical size of global bins decreases. Thus we can get
more and more detailed information about physical locations of cells as we
proceed. The top-down hierarchical approach will terminate when there are
only a few cells in each global bin.

Dragon can be divided into two phases, global placement (GP) and de-
tailed placement (DP). A top-down hierarchical approach is used in the GP
phase. We recursively solve the hierarchical placement problem and quadri-
sect each global bin into four smaller bins at each level. Overlap between
cells are allowed in the GP phase. In fact, all the cells belong to the same
bin are placed at the center of the bin. The DP phase takes the output from
GP and produces an overlap free layout. Then it iteratively improves the
legal layout using a greedy heuristic. Due to the computational complexity,
the DP heuristic is only capable of performing local optimization. Thus it is
expected that the top-down hierarchical GP phase can do majority of work
in placement.

Wirelength and net-cut are two popularly used objectives in different
hierarchical placement algorithms. It is commonly believed that partition-
ing tools (minimizing net-cut) are much more mature and effective than
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wirelength minimization tools. On the other hand, wirelength at different
hierarchical levels is a more accurate estimation of the final wirelength than
net-cut. In order to achieve high performance, we integrate wirelength and
net-cut together in the GP phase of Dragon to take advantage of both ob-
jectives. Although these two objectives are widely used in other placement
tools, the relationship between them are not very well understood. In the
next section, we will analytically study the properties of them and the reason
why we can use net-cut minimization methods in placement. The detailed
implementation of Dragon will be explained in Section 4.

3 Net-cut as a Good Wirelength Objective

To simplify the problem a bit, we study the quadrisection method in the top-
down context. We assume the first hierarchical level contains four global bins
and we have H hierarchical levels in total. Thus there are 4* global bins at
a generic level h and 477 global bins at the final level. Cells belonging to
any global bin are placed at the center of that bin. As a consequence, the
length of any net is multiples of the width and height of global bins. We can
therefore normalize the wirelength at each level using the width and height
of global bins. If all cells connected to a net are located in the same global
bin, the length of the net is zero  and the net is not cut. Otherwise, the net
is cut. More net are being cut when the top-down hierarchical approach goes
to lower levels. We call those nets that are cut at level h and not being cut
at any previous levels “level-h cut-nets” or “level-h nets” for simplicity. The
number of level-h nets is called level-h net-cut and denoted by Cj (shown
in Figure 1). Therefore, the total number of net-cut at level h would be
Z?:l Cl

Typically, the aspect ratio of the layout is close to 1, thus global bins
at each level have similar width and height 4. If we use the width and
height of global bins at the final level (level H) as the length unit, the width
and height of global bins at level h is 2#=") If a net is a level-h net, by
definition, the net is not cut until level h. Thus all the cells of this net
should be inside a global bin in level (h — 1) which has a width and height of
oH-h+1)  Ag illustrated in Figure 2, in the worst case, the length of the net
at the final level H is 2- 2H-"+1) We can also use statistical knowledge to
get a better prediction of level-h net length. Caldwell, etc presented a nice
theoretical work in predicting wirelength for different nets in [24]. However,

3Generalization to non-zero length for such nets is straight forward.
It is very easy to extend our results to the case when aspect ratio is not equal to 1.
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Figure 1: Net-cuts at different levels in a top-down hierarchical approach.

the results shown in [24] are too complicated. We can get a much more
simple prediction if we assume all nets have only two terminals. Under
the assumption of two-terminal nets and uniform distribution of terminals,
the statistical expected length of a level-h net is § - 2(F-"+1). We expect
a slightly longer length for multi-terminal nets. In practice, since cells are
placed to minimize wirelength, the actual length of a level-h net could be
even less than the statistical length, 7 - 2(H="+1), Let us denote the average
length of level-h nets by a real number {,. Since the number of level-h
nets is C}p,, we can express the total wirelength for level-h nets in the worst,
statistical and the average case as Cp, - 2 - oH-h+1) . -g - 2(H=h+1) 4nd
Ch - Iy, respectively. Therefore, in a top-down hierarchical approach, the
total wirelength in these three cases can be expressed as:

A ?‘:bﬂ.ldb: a\: l::;el t(‘hlt ) yitw Global bins at level h Globat bins at level h
with width and height of
3
, |\

!
¥ s X
T

% f
o)
O
A level h net is not cut Worst case: A level h net has a Statistical case: A level h net (two pin)
atlevel (h-1) length of 2% has a length of I pten
9

Figure 2: Wirelength of a level-h net in the worst and statistical case.
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H
W Lyorst = »_ Cy -2 20H+179) (1)
i=1
H 7 _
W Lyt = Zci 5 o(H+1-4) )
1=1

H
W Loye = Z Ci a5 (3)

i=1

Next, we will use Rent’s rule to show the relationship between C; and
Ci—1. Rent’s rule was first described by Landman and Russo in 1971 [21].
When we partition a circuit into several blocks, Rent’s rule tells the rela-
tionship between the number of external pins on each block and the number
of cells inside each block. Let us denote the average number of cells in a
block by By, then the average number of external pins P, can be expressed
as P, = T,B;, where 0 < r <1 is called the Rent parameter and T} is the
average number of terminals per block. Rent’s rule is experimentally vali-
dated for a lot of real circuits and for different partitioning methodologies.
For real circuits, the Rent parameter r usually has a value between 0.3 and
0.8.

Theorem 3.1 If a circuit obeys Rent’s rule and has a Rent parameter of r,
m a top-down quadrisectional approach, the number of level-i nets C; and
the number of level-(i-1) nets C;j—, has the relationship of 'C‘%I = 41T

Proof:

At any hierarchical level h in a top-down quadrisectional approach, the
number of global bins is 4", thus we have %’;& cells in each global bin where
N, is the number of total cells in the circuit. According to Rent’s rule, the
number of external pins on each global bin P, = Tb(zN;ﬁ)T., The total number
of external nets will be

P, T N,
Cuty = 4" = —— () - 4" (4)
Davg Davg 4

Pavg 1s the average number of terminals per net. When the number of
global bins is equal to the number of total cells N, all the nets are cut.
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Thus we have the relationship of N, = p—aTS; - N, where N, is the number of
total nets in the circuit. Therefore, we can rewrite (4) using N, and N, as

follows:

N, N

. T g4h
N, (4h)

Cuty, =

By definition, level h net-cut C = Cutp, — Cutp—;. Thus we have:

Ne

T )r . 4h . (1 _47“—1)

N,
Cy, = Cutp — Cutp_1 = —]\—7% |

and the ratio between C; and C;_; is:

Ci AR R T
C; = Ny ; Ne \r | g4i—1 r—1 =47 u
-1 Tc'(Zz——l) 4 (1 -4

Theorem 3.1 tells us that the ratio between C; and C;_; is a constant.
For industrial circuits,  has an value between 0.3 and 0.8, thus the ratio
has a value between 1.3 and 2.6.

With the help of Theorem 3.1, we can get the total wirelength at the
final level H for the worst and the statistical case.

Lemma 3.2 In a top-down quadrisectional approach, the total wirelength
—(2)H
at the final level H is Cy - 2H+1. l—f(fgz—— in the worst case, where « is the
2

ratio between C; and Ci_; (a = 4'~" from Theorem 3.1).

Proof:
Since C; = aCi_1, C; = a*~! - C;. Equation (1) becomes:

1- ()7

a
-3

H
W Luyorst = Z o7 Ci-2- 2(H+1_i) = (- of+l.
1=1

Lemma 3.3 In a top-down quadrisectional approach, the total wirelength

—(eVH
at the final level H is %Cl 2H. l—lLf—g)— in the statistical case, where v is the
2
ratio between C; and C;_;.
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Proof:
Since C; = aC;_1, C; = o*~! - C;. Equation (2) becomes:

= i—1 7 (H+1-1) 7 H 1— (%)H
WLstat=Za -01»5«2 =-C;-2% . —=— 1
1=1

9 -2

Equation (3) cannot be further simplified without some knowledge of
l;’s. Intuitively, the average wirelength for lower level net should be larger
than the average wirelength for higher level nets. However, the values of I;’s
are very hard to model theoretically. We use empirical data to model I;’s
instead. A top-down quadrisectional approach is used to recursively place
cells at each level. A nets is labeled as a level-i net if it is first cut at level
. We record the average length for level-: nets (i = 1,2, ..., H) at the final
level H. The length unit is set to be the width/height of the global bins at
the final level H. Table 1 shows the experimental values of I;’s for a number
of benchmark circuits with H = 6. As we can see, [; values at different levels
have a similar relationship as C; values which is expressed in Theorem 3.1.
We can model it as [; = Al;.; where A is approximately a constant. We can
use this empirical model to obtain the total wirelength at the final level H
in the average case.

Ckts I Iy I3 l4 I lg
ibmO1 | 27.8 | 19.1 | 104 | 5.8 | 3.3 | 1.7
ibm02 | 28.3 | 21.9 | 126 | 6.6 | 3.6 | 1.9
ibmO03 | 38.4 | 189 | 10.9 | 5.8 | 3.4 | 1.8
ibm0O4 | 32.8 | 18.1 | 10.2 | 5.9 | 3.5 | 1.9
ibmO05 | 41.9 | 27.1 | 13.0 | 7.7 | 4.3 | 2.7

Table 1: Value of {; at different levels.

Lemma 3.4 In a top-down quadrisectional approach, the total wirelength
—(eyH
at the final level H is Cyl; - 1—1—(:Ag)— in the average case, where « is the ratio
Py
between C; and C;_1 and X 1s the ratio between l; and l; 1.

Proof: o ‘
Since l; = M1, li = ()1 - l1. We also have C; = o*~! - (). Equation
(3) becomes:
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J i—1 11 1- (%)H
Wae =) O (P h=0h- 75— N
i=1 A

Lemma 3.5 In a top-down gquadrisectional approchh, the total wirelength
at the final level H is always greater than C; - 11_%& , where a is the ratio
between C; and Ci_1.

Proof:

At the final level H, each net-cut contributes at least one unit to the
wirelength. Therefore, the lower bound for the total wirelength at the final
level H is

H H
WLZZCi=Zai—1-Cl =C-
i=1

=1

1-of

1-« .

Lemma 1, 2, 3, 4 express the total wirelength at the final level H using
circuit parameter o and A. o and X have similar values in different industrial
circuits. For instance, according to Theorem 3.1, the value of ¢ is ranging
from 1.3 to 2.6. Table 1 shows that A also has a value around 2. In order
to get a more realistic feeling of Lemma 1, 2, 3, 4, we let both o and A be
a real number of 2. Judged by the Table 1, the value of [; is comparable to
a half of the width/height of the layout (I; ~ 27~1).

When a = 2 and A = 2, according to Lemma 1, 2, 3, 4

W Lyorst = Cy - 28+ . H (5)

W Lot = gCI 2f |7 (6)
WLye=Cili-H~C,-2871 . H (7)
WL>C, (2% -1) (8)

Comparing Equation (5), (6), (7) and (8), the total wirelength in the
worst, statistical and average case are all approximately H times larger than
the lower bound of the total wirelength. Since H is the final hierarchical
level where each global bin contains more than one cell, H < log N,.
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Theorem 3.6 In a top-down quadrisectional approach, the total wirelength
at the final level H is between the total net-cut and the total net-cut times
2H: Cut < WL < (2log N.) - Cut

Theorem 3.2 can be easily proved by combining Equation (5) and (8).
It suggests that the wirelength result produced by a top-down hierarchi-
cal approach is bounded by a factor of O(log N.). Cut and wirelength in a
top-down hierarchical approach are indeed correlated. In Section 4.1, exper-
imental results will also show that net-cut minimization in the hierarchical
approach is crucial to get a good final placement result.

4 Detailed Implementation of Dragon

As earlier mentioned in Section 2, Dragon consists of two phases: the GP
phase and the DP phase. The top-down hierarchical approach is used in
the GP phase. We integrate net-cut and wirelength together to solve the
hierarchical placement problem at each level. Specifically, we start our GP
from level 1 with four global bins. We go from level h to level A + 1 by
partitioning each subcircuit in a global bin at level & into four parts to
reduce net-cut. Global bins at level ~ will be split into four smaller bins
correspondingly. Thus there will be 4**1 global bins and 4"*! subcircuits
at level h + 1. Finally, we switch all 4**! subcircuits in level & + 1 locally
to minimize wirelength. GP terminates when each global bin contains less
than about seven cells.

A traditional top-down hierarchical placement approach confines loca-
tions of subcircuits at level h + 1 within the region of the global bin where
the subcircuits reside in at the previous level h. This approach can greatly
reduce the computational complexity. However, it can never correct wrong
decisions made at higher levels. Our GP does not confine locations of sub-
circuits. This gives cells more freedom to move to achieve better placement
results at each level. In order to reduce runtime, we limit our wirelength
optimization searches in a local range.

We pick hMetis [15, 25] as the partitioner for Dragon because of its supe-
rior quality and friendly user interface. Simulated annealing is picked as the
base algorithm to minimize wirelength because it is very easy to implement.
A low temperature simulated annealing algorithm is also very effective in
doing local optimization and reasonably fast. Since we are expecting a high
quality output from GP, relatively little work need to be done in DP. The
DP phase of Dragon uses a greedy algorithm to perform local optimiza-
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tion and improve the quality of final placement iteratively. We will discuss
implementation details of Dragon in the following subsections.

4.1 Interactions between Wirelength and Net-cut

As argued in Section 3, circuit partitioning is a nice shortcut to get a good
wirelength minimized placement at each level. At each level in GP, we
quadrisect each subcircuit inside a global bin into four smaller subcircuits.
Since no physical location information is considered in partitioning, we then
switch subcircuits in all global bins to reduce wirelength. However, net-cut
is generally considered less accurate than wirelength. Several variations can
be used in order to fix this fact. Based on previous work and intuition, we
tried four approaches. Figure 3 illustrates these approaches. Assume we are
about to partition the subcircuit within global bin By. Cell 1, 2, 3, 4, 5,6, 7
are inside By. Cell 8, 9, 10, 11 are outside By but have connections to cells
inside By. We denote an n-terminal net by net (ci,¢o, ..., ¢n), where ¢1, co,
...y Cp, are terminal cells of the net.

1. Approach A (Figure 3a): When we partition a subcircuit in a global
bin at any level, nets which have terminal cells outside this-global bin
will be ignored. We do this because this is always cut no matter how
we distribute those inside cells. In Figure 3a, net (2,6,11), (5,6,10),
(4,7,8,9), (7,9) are ignored when partitioning subcircuit in By.

2. Approach B(Figure 3b): When we partition a subcircuit in a global
bin at any level, terminal cells which are outside this global bin are
ignored. In Figure 3b, since terminal cell 8, 9, 10, 11 are ignored,
original net (2,6,11), (5,6,8), (4,7,8,9), (7,9) become new net (2, 6),
(5,6), (4,7), respectively. This method will encourage us to group the
remaining inside terminal cells together even there are always outside
terminal cells.

3. Approach C(Figure 3c): In approach A and B, we isolated the subcir-
cuits within a global bin by removing connections between inside cells
and outside cells. Intuitively, this is not good. The idea of “terminal
propagation” was proposed in [26] to solve this problem. It adds to
the current subcircuit dummy cells that are fixed in the appropriate
partitions. In Figure 3c, cell 8 is mapped to a fixed vertex in the
lower-left part of By; cell 9 and 10 are mapped to two fixed vertices in
the lower-right part of By; cell 11 is mapped to a fixed vertex in the
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upper-right part of By. This approach encourages cells be distributed
in a global bin close to their outside neighbor cells.

4. Approach D(Figure 3d): In all above approaches, subcircuits are switched
to reduce wirelength after partitioning is done. Instead of moving all
the cells in each subcircuit together, we can also switch single cells
around to reduce wirelength at this level. This idea was first proposed
in [5]. Wirelength obtained by this approach should be better than
wirelength obtained by other three approaches. However, it is not
clear whether a optimal wirelength placement at any hierarchical level
will produce a good final placement.

Original subcircuit at B (a) Approach A: deletc all the external nets  (b) Approach B: delete all the external
terminals from the net

{c) App h C: terminal prop i {d) Approach D: move single cells o reduce
wirelength after partitioning approach

Figure 3: Graphical illustration of Approach A, B, C and D.

In order to find out which approach performs the best, we test all four
approaches on several benchmark circuits. Table 2 shows the experimental
results. The best result for each circuit among all four approaches is shown in
the bold face. Quite surprisingly, approach B out-performs other approaches
including approach C (terminal propagation) which is widely accepted and
used in other placement tools.

In placement tools which use terminal propagation, subcircuits at each
level are confined within the region of the global bin where they belong to
at previous levels. We do not confine locations of subcircuits at each level



58 X. Yang, E. Bozorgzadeh, M. Sarrafzadeh, and M. Wang

because we perform the post bin swapping stage to reduce the overall wire-
length after the subcircuits are formed. This post bin swapping stage is used
in approach A, B and C. The use of the post bin swapping stage might be a
reason why approach B works better in our GP than approach C does. To
further investigate this interesting issue, we implemented the conventional
min-cut scheme with and without terminal propagation. The conventional
scheme with terminal propagation is basically the same as approach C except
it does not perform post bin swapping. Similarly, the scheme without ter-
minal propagation is the same as approach B without the post bin swapping
stage. Table 3 shows the experimental results comparing two conventional
min-cut schemes and their counter parts in our approaches (approach B
and C). Indeed, the terminal propagation can improve the wirelength re-
sults over the non terminal propagation min-cut scheme. However, the post
bin swapping stage can help improve performance: approach C (terminal
propagation + post bin swapping) outperforms pure terminal propagation.
Finally, it is very interesting to find that the widely used terminal propa-
gation scheme actually degrade performance while the post bin swapping
stage is used (approach B is better than approach C).

Another interesting fact is that approach D is not successful either. This
fact suggests that conserving connecting information between cells is more
important than greedily obtain a wirelength optimal placement at each level.
Minimizing net-cut not only can obtain placement results fast at each level,
it also helps to improve the final placement quality.

Ckts | #cells | App. A | App. B | App. C | App. D
ibm01 | 12282 4.79 4.71 4.98 4.81
ibm02 | 19321 13.70 13.91 14.38 13.99
ibm03 | 22207 13.12 12.83 13.02 12.93
ibm04 | 26633 17.66 16.58 17.54 17.21
ibm05 | 29347 38.94 38.21 39.32 39.12

Table 2: Comparison of four different approaches.

4.2 Optimizing Wirelength at a Hierarchical Level

Based on the analysis in Section 3, we believe a combination between the
net-cut and the wirelength objective will be very effective in the hierarchical
placement (as is currently done in several commercial packages). At a certain
hierarchical level, we can first optimize net-cut. Then we further reduce
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mincut w/o | mincut w/
Ckts | term. prop. | term. prop. | App. C | App. B
ibm01 6.05 5.36 4.98 4.71
ibm02 16.77 15.04 14.38 13.91
ibm03 17.29 14.05 13.02 12.83
ibm04 22.58 18.34 17.54 16.58
ibm05 52.35 49.09 39.32 38.21

Table 3: Comparison of conventional min-cut schemes and our approaches.

wirelength based on the net-cut optimized placement. We can achieve this by
moving cells around the global bins to optimized the wirelength. However, it
would be very slow and ineffective if we only move a single cell at a time. We
propose a “+1 level clustering” technique to perform this task effectively:
Given a hierarchical level h which has N, global bins, first we solve the net-
cut optimization problem at hierarchical level h+1 which has g N}, global bins
where ¢ is defined in Section 2 (usually ¢ = 2 or 4). Based on the net-cut
optimization result at level h+ 1, we have g N, cell clusters with each cluster
being the set of all the cells in one global bin at level A + 1. Then we go
back to the given hierarchical level h and do the wirelength optimization by
placing these gV, clusters into N, global bins. Figure 4 shows an example of
this +1 level clustering technique which ¢ = 4 and N, = 4. This technique
will be much faster than the single cell moving algorithm because we only
need to place g/Ny objects into N, places.

(a) At current level h, cut the (b) Global bins are also splitinto  (c) do wirelength optimization
subcircuit in each bin into four smaller bins. Each smaller ~ optimization by moving
four parts. subcircuit will be placed into one  subcircuits around.

global bin (level h+1).

Figure 4: The “+1 level” clustering technique to improve wirelength.

The +1 level clustering technique can also be expanded to be a +2
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,+3 or +§ level clustering technique. As ¢ increases, the run time will
increase accordingly. If there is only one cell at each global bin at level h+¢
(6 = m—g%), the +4d level clustering technique reduces to the single
cell moving strategy.

Assuming we want to get a hierarchical placement with an optimized
wirelength at level A which has IV, global bins, a step by step procedure for

the +1 level clustering technique can be written as:

1. Obtain a net-cut optimized placement at level h + 1.

2. Cluster cells in the same global bin at level h + 1 together. There are
gN, clusters in total.

3. Do cluster placement at level h to minimize wirelength using the clus-
ters obtained in Step 2.

We can also have a +0 level clustering technique which is to do the
clustering and the wirelength optimization at the same hierarchical level h.
The hierarchical placement obtained from the +0 level clustering technique
is just a net-cut optimized placement since it has the optimal net-cut cost.
We call this +0 level clustering technique the flat clustering technique at
level h since it does not go to level A + 1.

In the +1 level clustering technique, we use hMetis [15] as the tool to
get the net-cut optimized placement. Benchmark results showed that hMetis
performs really well on large sized circuits. HMetis can also handle muiti-
way partitioning easily. By using hMetis as our net-cut objective optimizer,
we have three variations on the +1 level clustering technique. Assume that
we are working on the hierarchical level A with N, global bins:

1. +1 level A: We use hMetis to get the net-cut optimized cell clusters
at level A + 1. Then we perform the wirelength optimization at level
h using simulated annealing (since the number of moving ‘items’ is
small, a near optimal wirelength can be obtained by the annealing).

2. +1 level B: We use hMetis to get the net-cut optimized placement at
level h. Then we use hMetis to partition the subcircuit in each global
bin into ¢ clusters. Then we perform the wirelength optimization at
level h with these gV, clusters using simulated annealing.

3. +1 level C: We use hMetis to get the net-cut optimized placement
at the first hierarchical level 4;. Then we use hMetis to keep going
down by splitting global bins until we reach level h + 1. Then we do
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clustering at level h + 1 and perform the wirelength optimization back
at level h using simulated annealing.

When we split global bins to get from the level h; to the level h;y1, we
use hMetis to do a g-way partition on the subcircuit in each global bin at
level h;. The subcircuit contains all the cells and terminals in that global
bin. Nets in the subcircuit are modified so that they only contain terminals
located in that global bin.

It is interesting to notice that given long enough time, the results from
+1 level B should be no worse than the results from the flat clustering
approach at level h.

We conduct experiments to compare the wirelength results from a wire-
length optimized approach, the flat clustering approach and the three +1
level clustering approaches (approach A, B and C) at different hierarchi-
cal levels. For comsistency and simplicity, we use simulated annealing to
implement the wirelength optimization in the hierarchical placement. This
wirelength optimization algorithm is implemented without using any clus-
tering technique. We tested four circuits on 2 x 2, 4 x 4, 8 x 8, 16 x 16
and 32 x 32 hierarchical levels Wirelength and runtime comparison for all
circuits are shown in the Table 4 - 7. The unit for the runtime is second
cpu time.

2x2 4x4 8x8 16 x 16 32 x 32
technique | WL | time { WL | time | WL | time | WL | time | WL | time
WL opt. | 3912 | 5903 | 3479 | 5800 | 4044 | 5769 | 4220 | 6090 | 6463 | 5818
flat clus. | 2116 | 1527 | 3507 | 1998 | 4424 | 2912 | 4670 | 4589 | 4803 | 6985
app. A 2281 | 1115 | 3986 | 1055 | 4326 | 1381 | 4657 | 1806 | 5006 | 2250
app. B 2116 | 1044 | 3513 | 953 | 4384 | 1235 | 4556 | 1542 | 4533 | 2010
app. C 2136 | 1075 | 3836 914 | 4547 997 | 4612 | 1149 | 6324 | 1645

Table 4: Wirelength and runtime comparison between different approaches
for circuit ibm05

Experiments on all tested circuits show a similar trend: at coarser lev-
els (lower than 8 x 8 for most circuits), the flat clustering approach is the
best among all approaches. The wirelength minimization technique actually
produces worse wirelength than the net-cut minimization technique in this
case. This is because that minimizing net-cut is almost equal to minimizing
wirelength at coarser levels and the partitioning tool we used is extremely
effective. Therefore we can get a near optimal net-cut cost which is close to
an optimal wirelength cost in this hierarchical level very fast. On the other
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2x2 4 x4 8x8 16 x 16 32 x 32

technique| WL | time | WL | time | WL | time | WL | time | WL | time
WL opt. | 4835 | 4285 | 5393 | 9719 | 5422 | 6013 | 6246 | 4364 | 7849 | 4062
flat clus. | 3176 | 1513 | 3854 | 1771 | 4483 | 2382 | 5482 | 3448 | 6277 | 4966
app. A | 3175 | 1232 | 4146 980 | 4958 | 1118 | 5965 | 1298 | 6846 | 1821
app. B | 3176 | 1215 | 4061 991 | 4536 | 1078 | 5413 | 1152 | 6133 | 1492
app. C | 3203 | 1178 | 4552 | 1089 | 5127 | 990 | 5606 | 1123 | 7784 | 1443

Table 5: Wirelength and runtime comparison between different approaches
for circuit ibm06

2x2 4x4 8x8 16 x 16 32 x 32

technique| WL | time | WL | time | WL | time | WL | time | WL | time
WL opt. | 10123] 17389| 11994| 24894| 14700 8231 | 12025| 20662 14454 17743
flat clus. | 8335 | 3535 | 9359 | 2492 | 11005| 3208 | 12256 4491 | 14620 5323
app. A 8871 | 2349 | 11272} 1812 | 14476] 1740 | 16760| 2034 | 20612{ 2766
app. B 8414 | 2368 | 10335| 1592 | 11612| 1614 | 12422| 1771 | 13713| 2187
app. C 8407 | 2335 | 10070| 1645 | 11594| 1626 | 12287 1814 | 13616} 2168

Table 6: Wirelength and runtime comparison between different approaches
for circuit ibm09

2x2 4x4 8x8 16 x 16 32 x 32
technique| WL | time | WL | time | WL | time | WL | time | WL | time
WL opt. | 55031| 68560] 59501| 40593| 64548| 15471| 61236 33458] 65001 25111
flat clus. | 54878| 4055 | 59154| 4429 | 62037 5651 | 65506| 8988 | 68071| 10700
app. A 57348 4049 | 62674 2916 | 66580| 2987 | 70528| 3662 | 73478| 4806
app. B 56703| 4024 | 60197 2923 | 61299| 2667 | 62962| 3088 | 64918| 3924
app. C 56269| 3965 | 60075 2818 | 61842} 2708 | 62891| 3033 | 64520| 3585

Table 7: Wirelength and runtime comparison between different approaches
for circuit ibm12
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hand, since the wirelength optimization technique is not as effective as the
partitioning technique, given a certain amount of time, the wirelength opti-
mization technique fails to get a near optimal wirelength cost. Results from
approach A, B and C are not better than the results from the flat clustering
approach. This fact suggests that the wirelength cost obtained from the
flat clustering approach is really a good approximation of the optimal value
because further breaking clusters does not help reduce wirelength.

At finer hierarchical levels, the performance of the flat clustering ap-
proach becomes worse. The partitioning tool we used is still powerful. The
problem is that an optimal net-cut placement is getting further away from
the optimal wirelength placement at finer levels. Thus we see better results
produced by the wirelength optimization technique than the flat cluster-
ing technique. Therefore, it is wise to use the net-cut objective at early
hierarchical levels and start considering wirelength at later levels. This is
consistent with the analysis we made in the previous section. At finer levels,
the proposed +1 level clustering technique works better than the wirelength
optimization technique based on single cell moving strategy. This fact is
reflected on the runtime comparison. The +1 level clustering technique is
much faster because it has much fewer moving “clusters”. Since the +1 level
clustering technique is faster, within a certain amount of time, it usually pro-
duces better results than the single cell wirelength optimization technique.
Of the three approaches (A, B and C) for the +1 level clustering technique,
experiments show that approach A is always the worst and approach B is
the best on average.

4.3 The Final Stage of Global Placement

The subsection 4.1 shows that a minimum wirelength placement at each level
does not help to produce a good final placement. However, we find that such
a “single cell switching” strategy to minimize wirelength is extremely help-
ful in the last level of GP where there are about seven cells per global bin.
After GP stops at the last level, we switch single cells locally to minimize
wirelength. We use a low temperature simulated annealing algorithm in this
final stage of GP. As shown in [5], since the number of possible locations for
each cell is the number of global bins, the size of solution space is greatly
reduced. Therefore, performing annealing at this stage is much less expen-
sive than performing annealing in the DP phase. In fact, we pick simulated
annealing as the wirelength minimization approach in GP is mainly due to
the ease of implementation. Other fast local optimization approaches (e.g.,
branch-and-bound search) can also be used to further speed up GP. Table



64 X. Yang, E. Bozorgzadeh, M. Sarrafzadeh, and M. Wang

8 shows the comparison of the final placement wirelength using this final
stage vs. not using this stage.

Ckts | w/o final stage | w/ final stage | % impr.
ibm01 4.99 4.70 5.8%
ibm02 14.71 13.76 6.5%
ibm03 13.56 12.74 6.0%
ibm04 17.07 15.79 7.5%
1bm05 42.19 38.57 8.6%
avg 6.88%

Table 8: Effect of the final GP stage on the final placement results.

4.4 Detailed Placement Heuristics

The simulated annealing approach is the most popular DP algorithm used in
other placement tools. However, due to the huge computational complexity
in the DP phase, simulated annealing at this stage is very slow. For in-
stance, the DP phase of iTools (formerly TimberWolf) which uses simulated
annealing consumes more than 80% of the total runtime on large circuits.
In Dragon, since there is relatively little work left after GP is done. Instead
of widely used simulated annealing, a greedy algorithm is used in the DP
phase. Our DP consists of two steps. First, all the overlapping cells are
spread out to produce a legal placement. Then cells are exchanged locally
to reduce wirelength. In the cell spreading step, all the cells belonging to the
same global bin will be re-arranged from left to right using a random order.
After the cell spreading step, the greedy cell exchange algorithm is used
to further reduce wirelength. The algorithm randomly chooses a base cell.
Then it decides whether to perform a vertical search or a horizontal search
by using a adjustable parameter R,. R, is the ratio of vertical searches
and satisfy 0 < R, < 1. If a vertical search is picked to perform, the cell
directly above or below the base cell will be picked as the target cell. The
base cell and the target cell will be exchanged to see if this exchange result
in a reduction in wirelength. If the size of the base cell is not the same as
the size of the target cell, horizontal positions of all the cells to the right
of the base and the target cell need to be adjusted to remove the overlap
and whitespace. If a horizontal search is picked to perform, all the W — 1
cells to the left or right of the base cell will be picked as target cells. All the
target cells and the base cell itself forms a window containing W cells. W is
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another adjustable parameter called “window size”. All the target cells and
the base cells will be re-arranged horizontally in an exhaustive search man-
ner to look for possible reduction in wirelength. In the horizontal search, no
matter how we re-arrange the cell order inside the window, the total width
of the window remains unchanged. No cells outside the window need to be
moved during the horizontal search. Thus the horizontal search is computa-
tionally much cheaper than the vertical search. R, being 50% can balance
the search performed in both directions but has a higher computational cost
than a smaller R, values. Similarly, having a large window size W will ex-
plore more solution spaces but increase the runtime. We empirically find the
right value for R, and W. Figure 5 shows the relationship between values of
R, and W and the final placement quality. It shows that placement quality
does not improve much when W > 5 and R, > 20%. Therefore, we set
W =5 and R, = 20% in our DP.

Figure 5: Effects of detailed placement parameters.

5 Experimental Results

Dragon was implemented in C++. All the experiments were performed on
a 500 MHz PC running under the Solaris-x86 operating system. We picked
five large circuits from MCNC suite and eight large circuits from ISPD98
suite as our testing circuits. MCNC circuits are picked because they have
been widely used in literature. However, all MCNC circuits except golem3
are too small (< 30,000 cells). The eight ISPD98 circuits we picked are
relatively large (from 60,000 to 200,000 cells). However, they are not suitable
for standard cell placement due to the existence of very large cells in these
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circuits. The width of the largest cell in these circuits could be longer than
the width of the layout area. We modify these ISPD98 circuits by removing
large cells. Specifically, we remove cells with the area larger than twenty
times the area of the smallest cell in the circuit. The degree of a net might
decrease due to removing of large cells. Table 5 shows the characteristics of
the testing circuits. We compare Dragon with iTools1.4.0 ° on all testing
circuits. Since we do not have the access to other older placement tools, we
use numbers reported in literature on MCNC circuits for comparison. Since
ISPDY8 circuits have not been used for placement before, only Dragon and
iTools1.4.0 are compared on ISPD98 circuits.

Ckts #cells | #nets | #pins | #rows
industry2 | 12142 | 13419 | 125555 72
industry3 | 15059 | 21940 | 176584 54
avq.small | 21854 | 22124 | 82601 80
avq.large | 25114 | 25384 | 82751 86
golem3 99932 | 143379 | 336299 128
ibm11 68119 | 78843 | 248889 128
ibm12 69026 | 75157 | 301604 128
ibm13 81018 | 97574 | 311403 128
ibm14 147088 | 147605 | 547333 128
ibm15 157861 | 183684 | 653684 128
ibm16 181633 | 188324 | 762218 128
ibm17 182359 | 186764 | 834953 128
ibm18 210323 | 201560 | 817331 128

Table 9: Properties of MCNC and ISPD98 benchmark circuits.

Table 10 shows the placement results of Dragon, iTools1.4.0, Timber-
Wolf7.0 and TUM [27] for MCNC circuits. Wirelength results of Timber-
Wolf7.0 and TUM are obtained from [28] and [27], respectively. Runtime
comparison is very difficult since different machines were used in literature.
Therefore we do not report the runtime for TimberWolf7.0 and TUM. On
small MCNC circuits (less than 30,000 cells), Dragon uses less time than
1Tools but the wirelength results are about 5% worse. However, it still out-
performs other successful university tools like TimberWolf7.0 and TUM.

Table 11 shows the placement results of Dragon and iTools1.4.0 on large
testing circuits which has more than 60,000 cells including eight ISPD98

Sformerly TimberWolf, http://www.internetcad.com



Modern Standard-cell Placement Techniques 67

Ckts TW7.0 | TUM | iToolsl.4.0 Dragon

WL WL | WL | time| WL | time
industry2 13.53 | 14.6 | 12.30 | 1537 | 12.88 | 1461
industry3 | 42.84 | 45.1 | 40.13 | 3154 | 42.33 | 2849
avq.small 541 | 491 | 4.84 | 1915 | 5.17 | 1420
avq.large 586 | 538 | 5.19| 2043 | 5.25 | 1984
golem3 90.39 - | 85.44 | 24380 | 77.56 | 8422

Table 10: MCNC circuits comparison.

circuits and one MCNC circuit. On average, Dragon produces placement
results with the same quality as iTools for these circuits while spending much
less time (1.9%x speedup). We also observed that Dragon performs better
on circuits larger than 100,000 cells (1.4% better results and 2.1x speedup).
This is the first time that a university placement tool can produce good
results on large industrial circuits.

Ckts iTools1.4.0 Dragon Comparison

WL | time| WL | time | impr. | spdup
ibml1l | 39.76 | 18251 | 40.82 | 10301 | -2.6% | 1.8x
ibm12 | 69.56 | 18075 | 70.38 | 14198 | -1.2% | 1.3x
ibm13 | 49.11 | 22577 | 51.02 | 15456 | -3.9% | 1.5x
ibml14 | 118.8 | 43057 | 118.0 | 31894 | 0.7% | 1.4x
ibm15 | 130.6 | 54262 | 130.8 | 22808 | 0.0% | 2.4x
ibm16 | 163.8 | 70320 | 168.8 | 39001 | -3.0% | 1.8x
ibm17 | 256.6 | 72094 | 255.1 | 38752 | 0.5% | 1.9x
ibm18 | 191.7 | 75363 | 189.6 | 39603 | 1.1% | 1.9x
golem3 | 85.44 | 24380 | 77.56 | 8422 | 9.2% | 2.9x
ave 0.1% | 1.9x
ave* 14% | 2.1x

Table 11: Placement results for circuits larger than 60,000 cells (* average
value for circuits larger than 100k cells).
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6 Rent Exponent Analysis and Wirelength Esti-
mation

One of the important topics in VLSI layout generation is to estimate wire-
length before physical design. An accurate estimate of total wirelength or
wirelength distribution would greatly benefit logic designers, since some lay-
out features (routability, die size) could be obtained much earlier once the
wirelength is known. Over the past two decades, lots of wirelength estima-
tion approaches have been proposed. Some of them adopt neighborhood
analysis, more approaches are originated from the well known Rent’s rule.

Rent’s rule was first described by Landman and Russo in 1971 [21]. Tt
relates the number of external connections and the number of cells for a
given block in a partitioned circuit. Rent’s rule has been observed on many
of real designs. It has extensive applications in VLSI design. A priori wire-
length estimation is one of the most important applications of Rent’s rule.
The classical work [29, 30] gives good estimates for post layout intercon-
nect wirelength. More recent work improves the estimation by considering
occupying probability [31] or recursively applying Rent’s rule throughout an
entire monolithic system [32]. Extension of basic wirelength estimation, in-
cluding routing utilization estimation [33], congestion estimation [34], 3-D
design performance analysis [35, 36], interconnect fan-out distribution [37],
are also of value for physical design automation tools.

The Rent’s rule correlation is commonly presented by P = kG", where
P and G are the number of external nets and the number of cells for a
block, respectively. k is often called Rent coefficient, which is the average
number of pins per cell. The Rent exponent, r, is the feature parameter
of the circuit. Hagen, et. al.. studied Rent Exponent of circuits based on
comparison of different partitioning approaches [38], proposed the intrinsic
Rent exponent which indicates the minimum Rent exponent obtained by an
optimal partitioning method. Furthermore, it is argued that the Rent expo-
nent is a measure of partitioning approaches. Other related work includes
the proposal of Region III [39], the local variation of Rent exponent [40] and
Rent exponent prediction [41].

One of the fundamental issues in Rent’s rule study is the extraction
of Rent exponent for a given circuit. Traditionally, Rent exponents were
obtained by partitioning circuits and analyzing the partitioned subcircuits.
1n [21) a multi-way partitioning algorithm is used to generate partitioning
instances. For each instance, the average subcircuit size and the average
number of pins per subcircuit are calculated and the result represents a
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data point on a log-log scale. A linear regression is then applied to find the
slope of the fitted line, which is the Rent exponent of the circuit. Similar
strategy was employed in [38] in which a recursive bipartitioning approach
is used to generate partitioning instances.

In this section we propose a different method of extracting Rent expo-
nent for a given circuit, that is, achieving Rent exponent from an existing
placement. This is to better understand the notion of Rent parameters, and
is not to suggest the Rent parameters should be obtained from placement.
We argue that Rent exponents extracted from partitioning and placement
are not identical. However, there exists a relationship between these two
exponents. We experimentally evaluate this relationship. Experiments have
been done on mid-size or large benchmark circuits in order to provide useful
information. close to real world. To take into account the variety of place-
ment tools, three recent university placement tools (Capo [17], Feng Shui
[18] and Dragon [19]) are used in this work. There is no doubt that extract-
ing Rent exponent from placement is much slower than from partitioning.
Furthermore, Rent exponent is indeed useless after placement stage. How-
ever, studies on this issue will provide a different point of view on Rent’s
rule and its applications.

6.1 Rent Exponents for Partitioning and Placement

Conventional methods of extracting Rent exponent are based on partition-
ing. Analyzing an existing placement of a circuit, however, will give a new
way of measuring Rent exponent. It is not surprise that the Rent exponents
obtained from two methods are different. Partitioning based extraction fo-
cuses on the topological structure of the circuit, while placement based ex-
traction concentrates on the geometrical information of the placed circuit.
Figure 6, algorithm 1 and algorithm 2 explain the two different methods to
extract Rent exponent.

In the first method extract-Rent-by-Partitioning, a partitioning algo-
rithm is used to recursively bipartition the original circuits. At each bipar-
titioning level, the average number of cells and average number of external
nets for all subcircuits are recorded. The pair of numbers form a point on a
log-log plane. After achieving enough points, a linear regression is performed
to obtain Rent exponent.

To extract Rent exponent from placement, we first place the circuit using
existing placement tools. Then we divide the layout area into several regions,
analyze the subcircuit in each region. The average number of cells and
average number of external nets for all regions are recorded. This dividing
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Figure 6: Rent exponent extraction from recursive bipartitioning (upper
half) and placement (lower half)

Algorithm 1 Extract-Rent-by-Partitioning(G)
Input: Circuit G = (V, E)
Output: Rent exponent r

1. Recursively bipartition the original circuits. At each recursive level,
calculate the average number of cells per partition and the average
number of external nets over all partitions. Save the data pair to
(Bi, B;). 1 is the depth of recursive partitioning. Partitioning stops
when reaching a given depth n.

2. Apply linear regression on the log-log scaled data pairs: (B, Px),
(Bk+1, Px+1)y --s (Bn,Pp) (k is a given number around 4-6 to skip
Region II)

3. Return the slope of the fitted line by linear regression.
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Algorithm 2 Extract-Rent-by-Placement(G)
Input: Circuit G = (V, E)

Output: Rent exponent 7’
Place the circuit on two dimensional plane,

for ¢ « 1 to a given depth n do
Divide the core cell area into 2° regular regions,
cell group of a region consists of cells which are placed
into this region,
Compute the average number of cells per region
partition and the average number of external nets over all regions.
Save the data pair to (B;, P;).
end for
Apply linear regression on the log-log scaled data pairs: (B, P),
(Bk+41, Pxy1)s -y (Bny Py) (k is a given number around 4-6 to skip Region
I1)
Return the slope of the fitted line by linear regression

step continues to a given depth. Then we obtain Rent exponent by linear
regression on the recorded points.

A detailed step of implementing Eztract-Rent-by-Partitioning is as fol-
lows: when a subcircuit is partitioned into two smaller subcircuits, the nets
which connect the outside cells are not considered. For multi-terminal nets,
part of the net will be reserved and the external pins are ignored.

Definition 6.1 For a given circuit and a bipartition approach, the par-
titioning Rent exponent r is the output of the algorithm Extract-Rent-by-
Partitioning()

Definition 6.2 For a given circuit and a wirelength optimized placement
of the circuit, the placement Rent exponent v’ is the output of the algorithm
Extract-Rent-by-Placement()

Since partitioning and placement are related problems, the partitioning
Rent exponent and placement Rent exponent might also be related. Parti-
tioning tends to minimize the number of cut nets for two subcircuits, which
in turn leads to a small number of external nets for a subcircuit. While
in a wirelength driven placement, the cells which are tightly connected are
placed closer. There is no effort on reducing the crossing nets between two
regions. As shown in Figure 7, for a given size (Bj) of the subcircuit, the
number of external nets for placement is larger than that for partitioning.
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Both straight lines share the same intersection point. Therefore the slope
of the line which is obtained by partitioning is smaller than the slope of the
other line, which is done by placement.

r<r

log P

P=TB"

Placement Rent's curve

N

P=TB"

Partitioning Rent’s curve

log B, log B

Figure 7: Comparison between partitioning Rent exponent and placement
Rent exponent

If the placement engine is a min-cut class approach, we can derive a
relationship between the two Rent exponents. Figure 8 illustrates two dif-
ferent bipartitioning problems. In Figure 8(a), the partitioner only considers
the interconnects between cells of the subcircuit to be partitioned. We call
this problem the pure bipartitioning problem. In Figure 8(b), external nets,
which connect cells of this subcircuit to other subcircuits, are also included
into partitioning problem. This is the bipartitioning problem with terminal
propagation, which is normally used in min-cut class placement tools, as
shown in Figure 8(c). It is the difference between these two bipartitioning
approaches which explains the difference between partitioning Rent expo-
nent and placement Rent exponent.

In the pure bipartitioning problem without terminal propagation, assum-
ing the sizes of the subcircuits are By and By. The minimized number of
net cuts is denoted by C (Figure 8(a)). For the bipartitioning process with
terminal propagation, let C’ be the number of cut nets of bipartitioning. We
have C’' > C because of the effect of the external nets. According to Rent’s
rule, from Figure 8(a), we obtain:
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P1+C=P=TBL (9)

where P is the total number of external nets for subcircuit B;. P; is the
number of the external nets which are not cut nets. T is Rent coefficient,
the average number of pins per cell. r is the partitioning Rent exponent.

()

Figure 8: Comparison between a pure partitioning (a) and a partitioning
with terminal propagation in min-cut placement (b), (c). The former only
consider the internal nets, while the latter consider both internal nets and
external nets.

We assume that all the nets are two-terminal nets. Applying Rent’s rule
on the original subcircuit before partitioning, we obtain:

P+ P= T(Bl + Bz)r (10)

For simplicity, we assume that in a balanced bipartitioning, By = By
and P; = P,. From equation (9) and (10), we have:

p=2"1p

In the bipartitioning with terminal propagation (Figure 8(b)), there are
Py external nets connected to other subcircuits. These nets connect to cells
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that are located either to the left or to the right of original circuit. The
external nets connected to the right side (P;/2 nets) will “drag” cells from
left to right, thus they may increase the cut nets of the partitioning. We
assume that one such external net increases the number of cut nets by a.
o is a real number between 0 and 1. It represents the possibility that an
external net increases the number of cut nets by one.

The same situation exists on the right subcircuit. Thus the result of
partitioning with terminal propagation will increase by aP;. Therefore for
a partitioned subcircuit, the number of external nets P’ after terminal prop-
agation based partitioning is:

P =P+aPi=(1+a-2"Y)P

Since P =TB] and P' = TB{'(T and ' are partitioning Rent exponent
and placement Rent exponent, respectively), we have,

b logP' — logT _logP —logT
B logB, logB;

__log(P'/P) _log(1+a-2""1)

logB; logB;
log(1+a-2""1)
= 11
r=r+ 109 B, (11)

where Bj is the number of cells of the subcircuit. « is a various parameter
with different values in different hierarchical levels. In practice we set By to
[V|/2% and « to 1 to avoid the Rent’s rule region II 6.

Equation (11) shows that the placement Rent exponent (r') is larger than
the partitioning Rent exponent (r). It should be noted that the analysis is
based on some simplifications (e.g. two-terminal nets). The valid range of
Equation (11) is limited. For example, if r is close either 0 or 1, the equation
does not give meaningful result. However, for ordinary circuits and ordinary
partitioning Rent exponents, this equation approximately yields a placement
Rent exponent which can be used for estimation purpose.

®Region II corresponds a few top-most levels of the partitioning or placement where
the number of cells and the number of external nets don’t follow the Rent’s rule.
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6.2 Experimental Validation

Equation (11) shows that we can derive placement Rent exponent r' from
the partitioning Rent exponent r. The following experiments are performed
to evaluate the relationship.

We experimentally extract both partitioning exponent and placement
exponent for a set of circuits. The circuits are chosen from MCNC and
IBM-PLACE benchmark suits. IBM-PLACE benchmarks are derived from
ISPD98 IBM partitioning benchmark suits [20]. Experimental circuit sizes
range from 21,000 cells to 210,000 cells. For partitioning Rent exponent,
we use hMetis [15] as the partitioning tool. Unbalance factor is set to 1%
in each bipartitioning call. For placement Rent exponent, three different
placement tools are used. They are Capo [17], Feng Shui [18] and Dragon
[19]. The first two are based on min-cut placement method. Dragon employs
both cut and wirelength minimization in hierarchical placement flow. All
the experiments are performed on Sun workstations with 400MHz CPU
and 128M memory. The depths of both extract-Rent-by-partitioning and
extract-Rent-by-placement is set to 14, i.e., 14 data points are collected
from partitioning or placement. First 5 points are discarded in order to
avoid effects by Rent’s rule region II. The linear regression is performed on
9 data points for each benchmark.

Figure 9 shows a sample extraction on ibm15 benchmark. The lower line
is the result of linear regression on data points by recursive bipartitioning.
Three upper lines are extracted from placement outputs by Capo, Feng Shui
and Dragon. All the slopes of three upper lines are larger than the slope
of the “partitioning line”, supporting the relationship between partitioning
Rent exponent and placement Rent exponent mentioned in section 2.

Table 12 shows the comparison between partitioning Rent exponent r,
estimated placement Rent exponent v’ which is derived from equation (11),
and three real placement Rent exponents r" by different placement tools.
Figure 10 gives a better view of comparison. Note that Rent exponents
of different placement techniques are different. However, they do not vary
much for a given circuit.

6.3 Wirelength Estimation Using Rent Exponents

In Section 6.1 we discussed the difference between the partitioning Rent
exponent and the placement Rent exponent. In wirelength estimation, the
total wirelength or the average wirelength is a function of Rent exponent.
Different Rent exponents result in different estimates. In order to obtain
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Figure 9: Rent’s rule fitted line based on partitioning and placement for
circuit ibm15. The lower line is the result of linear regression on data points
by recursive bipartitioning. Three upper lines are from placement outputs.

ckt #cells #nets | Partition | Estimated Placement Rent r”
Rent r Place r' Capo | Feng Shui | Dragon

avg.small 21,854 22,124 0.449 0.532 0.599 0.533 0.548
avq.large 25,114 | 25,384 0.449 0.530 0.596 0.538 0.543
golem3 99,932 | 143,379 0.556 0.617 0.615 0.600 0.575
ibm11 68,119 78,843 0.608 0.680 0.693 0.682 0.667
ibm12 69,026 | 75,157 0.648 0.723 0.708 0.694 0.683
ibm13 81,018 | 97,574 0.600 0.674 0.689 0.668 0.648
ibm14 147,088 | 147,605 0.622 0.690 0.679 0.650 0.663
ibm15 157,861 | 183,684 0.599 0.672 0.669 0.630 0.640
ibm16 181,633 | 188,324 0.609 0.673 0.674 0.627 0.651
ibm17 182,359 | 186,764 0.645 0.708 0.704 0.650 0.671
ibm18 210,323 | 201,560 0.600 0.664 0.658 0.615 0.632

Table 12: Comparison between partitioning Rent exponent 7, estimated
placement Rent exponent r’ and real placement Rent exponent 7" extracted
from three placement tools’ outputs
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Figure 10: Comparison between partitioning Rent exponent, estimated
placement Rent exponent and three real placement Rent exponents by three
placement tools

more accurate wirelength estimates, a proper Rent exponent is demanded in
wirelength estimation approach.

Different Rent Exponents in Estimation

The authors in [38] show that the Rent exponent of a circuit depends
on the approach used to derive it. Different Rent exponents are obtained
when using different partitioning heuristics. The partitioning Rent expo-
nent, as described in Section 6.1, is derived using a given partitioning ap-
proach (hMetis). If we use other partitioning heuristics, or even use different
calling parameters’, different Rent exponents will be obtained. In general
these values are relatively close.

Similar situation exists in extracting placement Rent exponent. If we use
different placement algorithms and extract Rent exponents from the place-
ment results, we will obtain different placement Rent exponents. Likewise, it
is expected that the placement Rent exponents do not have much variation
from different placement algorithms.

"Unbalance factor, number of starts, option to minimize number of external pins.
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In the wirelength estimation work [29, 31], the authors adopt a hierar-
chical placement model and assume that Rent’s rule holds for all subcircuits
at each hierarchical level. In [32] the wirelength distribution is derived from
the number of interconnects between gates that are a given distance away,
which is determined using Rent’s rule. Note that in above approaches, par-
titioning Rent exponent and placement Rent exponent are not distinguished
from each other. By definition, wirelength estimation requires the placement
Rent exponent, while in the real world the partitioning Rent exponent may
be used to do the calculation. This is because the partitioning Rent expo-
nent is easy to obtain simply by recursively bipartitioning the circuit. For
small circuits, this ambiguity between two Rent exponents does not have
much influence on wirelength estimates since the two Rent exponents are
close. However, for larger circuits, when the partitioning Rent exponent
is considerably different from the placement Rent exponent, wirelength es-
timates using the partitioning Rent exponent tends to under-estimate the
total wirelength. This under-estimation is verified by the following experi-
ments.

In Section 6.2 we obtained the partitioning Rent exponent and three
placement Rent exponents for each circuit. With these exponents, we esti-
mate the total wirelength based on existing wirelength distribution models.
Both classic Donath’s method [29] and the recent Davis’s wirelength distri-
bution model [32] are used in this approach.

The estimation results are compared with real wirelength given by the
global router. Since we have three placement outputs, we also have three
corresponding global routing results. For the sake of simplicity, the number
of rows in standard cell placement is set to an integer which is a power of
2 (128 in the experiments). We also assume that the grid in global routing
is a square with unit width and unit height. For better comparison, the
estimated total wirelength is scaled to the total length in terms of global
routing grid units. Specifically, if the number of cells in a circuit is G, and
the global routing grid is n x n, then the scaled estimated wirelength WL
is,

, n
WL=WL Ve
where W L' is the estimated wirelength in grid units.

Table 13 shows a comparison between the estimated wirelength and real
wirelength after global routing. For each circuit, two estimation methods
(Donath’s and Davis’s) are used on four Rent exponents (one partitioning
Rent exponent and three placement Rent exponents). Placements of cir-
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cuit are obtained using three different placement tools. For each placement
output the corresponding global routing result is shown.

Partition Placement
ckt T Donath’s | Davis’s || place r” | Donath’s | Davis’s | Real
Est. Est. tool Est. Est. WL
Capo 0.693 800 583 489
ibm11 (| 0.608 562 442 FS 0.682 764 562 494
Dragon | 0.667 718 534 483
Capo 0.708 1024 699 738
ibm12 || 0.648 798 572 FS 0.694 967 667 744
Dragon | 0.683 798 572 646
Capo 0.689 937 675 676
ibm13 {| 0.600 640 500 FS 0.668 856 627 716
Dragon | 0.648 786 586 605
Capo 0.679 1273 935 913
ibm14 || 0.622 972 752 FS 0.650 1109 836 841
Dragon | 0.663 1180 879 822
Capo 0.669 1482 1053 1242
ibm15 || 0.599 1062 807 FS 0.630 1227 905 1175
Dragon | 0.640 1288 940 1196
Capo 0.674 1694 1192 1207
ibm16 || 0.609 1236 925 FS 0.627 1349 991 1090
Dragon | 0.651 1512 1086 1078
Capo 0.704 2149 1429 1661
ibm17 || 0.645 1606 1123 FS 0.650 1646 1146 1651
Dragon | 0.671 1826 1247 1653
Capo 0.658 1411 1056 1108
ibm18 | 0.600 1207 933 FS 0.615 1605 1173 1247
Dragon | 0.632 1300 989 1090

Table 13: Partitioning Rent exponent r and wirelength estimates by two
estimation methods (Donath’s and Davis’s), comparing with placement ex-
ponent 7" by three different placement tools (Capo, FS(Feng Shui) and
Dragon), and the wirelength(WL) estimates based on r”. The final column
is the real wirelength output by global router. Both estimated and real
wirelengths are in 10? grid units of global routing.

It is well accepted that Donath’s classic work over-estimates the total
wirelength for most circuits. Therefore we focus on wirelength estimates by
Davis’s wirelength distribution model. From Table 13 we observe that the
wirelength estimates based on the partitioning Rent exponent are always
smaller then the real wirelength. While wirelength estimates based on the
placement Rent exponents are more close to the real results. This obser-
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vation supports the previous assumption that wirelength estimation should
use placement Rent exponent, not the partitioning Rent exponent.

Wirelength Estimation Using Placement Rent Exponent

Table 14 illustrates the wirelength estimation using estimated placement
Rent exponent, compared with real wirelength after global routing. The mo-
tivation is to ‘estimate wirelength using the partitioning Rent exponent, as
it is easier to obtain partitioning Rent exponent. For most circuits, wire-
length estimates using estimated placement Rent exponent are close to real
wirelength by placement tool and global router. However, it is not clear
whether this estimation method is more accurate or not. Wirelength result
varies in different placement tools. In addition, global router’s parameters
(for instance, routing capacity) also affect total routed wirelength. A good
wirelength estimate is only meaningful in a given context. In general there
is no perfect wirelength estimation independent of place and route tool.

Est. Real WL (x103units)
ckt r r" | WL by ' | Capo | Feng Shui | Dragon
ibm11 | 0.608 | 0.680 558 489 494 483
ibm12 | 0.648 | 0.723 734 738 744 646
ibm13 | 0.600 | 0.674 641 676 716 605
ibm14 | 0.622 | 0.690 977 913 841 822
ibm15 | 0.599 | 0.672 1065 1242 1175 1196
ibm16 | 0.609 | 0.673 1189 1207 1090 1078
ibm17 | 0.645 | 0.708 1453 1661 1651 1653
ibm18 | 0.600 | 0.664 1204 1108 1247 1090

Table 14:; Partitioning Rent exponent r, estimated placement Rent exponent
7’ and estimated total wirelength based on 7/, comparing with the total
global routed wirelength from three placement outputs.

Wirelength and Placement Rent Exponent

In [38] the Rent exponent is regarded as a metric of quality of partitioning
algorithm. It is interesting to know whether there is a correlation between
the placement quality and the Rent exponent of placement. Previously the
quality of placement is measured by the total bounding box wirelength or
wirelength after global routing. Therefore we compare placement wirelength
and Rent exponents for different placement tools.

Table 15 lists the Rent exponent, total bounding box wirelength and
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total routed wirelength for three placement approaches. For consistency,
the total bounding box wirelength is reported in grid units of global routing.
The global router is based on maze routing including rip-up and re-route.
The capacity of global routing edges is set to a value such that the number
of nets which are rip-up and re-routed is less than 10% of the total nets.
This is to reduce the influence of the global routing on the placement.

Figure 11 shows the comparison more clearly. For most circuits the
smaller Rent exponent relates to less total wirelength. Some other circuits
show the contrary cases. However, the difference are relatively small in these
cases. The correlation exists for both bounding box wirelength and routed
wirelength. Thus we conclude that the Rent exponent of placement is a
good metric of placement quality.

Placement Bounding Box WL Rrouted WL
ckt Rent exponent (x10® grid units) (x10® grid units)

Capo FS | Dragon || Capo FS | Dragon || Capo FS | Dragon
ibm11 || 0.693 | 0.682 | 0.667 435 | 442 423 489 | 494 483
ibm12 || 0.708 | 0.694 | 0.683 655 | 654 567 738 | 744 646
ibm13 || 0.689 | 0.668 | 0.648 505 | 510 487 676 | 716 605
ibm14 || 0.679 | 0.650 | 0.663 827 | 759 740 913 | 841 822
ibm15 || 0.669 | 0.630 | 0.640 951 | 882 890 [ 1242 | 1175 1196
ibm16 [ 0.674 | 0.627 | 0.651 1025 | 972 961 || 1207 | 1090 1078
ibm17 {l 0.704 | 0.650 | 0.671 1483 | 1315 1364 || 1661 | 1651 1653
ibm18 || 0.658 | 0.615 | 0.632 1088 | 953 967 || 1108 | 1247 1090

Table 15: Placement Rent exponents derived by three placement tools, with
the normalized bounding box wirelength and normalized routed wirelength.
Wirelengths are reported in 103 units of global routing grid.

7 Conclusion

Top-down hierarchical approach and multi-level hypergraph partitioning
technique are two most irhportant components in modern standard-cell place-
ment tools. We use the top-down hierarchical approach to develop a powerful
standard cell placement tool, Dragon. We theoretically study the properties
of using net-cut minimization methods in placement tools. We argue that
net-cut minimization is a good and important shortcut to get high qual-
ity placement results in the shortest amount of time. With the effective
integration of net-cut and wirelength, the GP phase of Dragon is able to
produce superior global placement results very fast. Only little amount of
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Wielength

(b) (c)

Figure 11: (a) Placement Rent exponents derived from layouts by three
different placement tools( Capo, Feng Shui and Dragon). (b) Total bounding
box wirelength in grid units by three placement tools. (c¢) Total routed
wirelength in grid units by three placement tools. In (b) and (c) wirelengths
are normalized by dividing the average value of three placement tools.
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effort is needed in the DP phase. Dragon was tested on recently released
large benchmark suite ISPD98 and old MCNC suite. For large circuits which
have more than 100,000 cells, Dragon can produce slightly better placement
results while spending much less amount of time than the highly optimized
commercial iTools. This is the first university tool that produces good re-
sults on large publically available circuits.

Wirelength estimation for large circuits is a complex problem. A number
of factors can affect the accuracy of estimating, including the approach to
obtain Rent exponent, the placement algorithm used in the design flow and
the quality or parameters of the global router. In order to obtain accurate
wirelength estimates, designers need to adjust estimating model and Rent
exponent extraction method according to the place and route tool they em-
ploy. Precise wirelength estimation needs extensive experimental data as
well as theoretical formulation.
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1 Introduction

Under current Very Large Scale Integration (VLSI) technology, tens of mil-
lions of transistors can be integrated on a single chip, and future trends
show that circuit sizes will continue to increase exponentially. Under this
scenario, the performance bottleneck will shift to the delays associated with
the metal wires, or interconnect, used to join these transistors. In the fu-
ture, as transistor feature sizes become progressively smaller, the switching
speed of a transistor driving a minimum load will become faster. On the
other hand, as interconnect wires become thinner and longer, the intercon-
nect delay for global wires is projected to increase, relative to the gate delay,
due to the increased wire resistance. Both trends lead interconnect delay to
dominate logic delay and become a significant bottleneck in VLSI system
performance [1]. As a result, many efforts have been carried out in recent
years to improve the interconnect performance, and a good overview of these
works is provided in [2-4].

sink sink
[
sink sink
n . -
internal|Steiner
} bend
source source
(a) ()

Figure 1: An example of rectilinear Steiner tree for a two sink net.

This chapter addresses the problem of optimizing a single-net global
routing tree under stringent timing constraints. A routing net is composed
of a source pin from which the signal is sent out, and a set of sink pins where
the signal is to be delivered. The single net routing problem is to construct a
rectilinear tree representing the wires to span all the pins for a given net. For
example, a net with two sinks is shown in Figure 1(a). An internal Steiner
node and a bend node are introduced together with four edges in Figure 1(b)
to form a rectilinear Steiner tree as a routing solution. The objective in the
tree construction is typically to minimize the total wire length and ensure
that the delay from source to each sink satisfies the required constraints.
The quality of a routing tree can be improved by using a better routing tree
topology, appropriately sizing the driver, and by inserting buffers on long
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wires to regenerate the signal and to shield non-critical loads from the paths
to the critical sinks. All of these techniques will be employed in the work
described here.

Considering this routing problem as an optimization problem, the ob-
jective is formulated in terms of the total wire length (area) and the routing
delay. Minimizing the total wire length is a desirable goal since it can reduce
the cost, power consumption and improve the routability, and has been used
as the sole optimization objective in the past, when delay was not a signifi-
cant consideration. For the problem of pure delay reduction, there are many
forms in which the objective may be stated, including minimizing either a
weighted sum of sink delays, or the maximum delay, or the delay(s) at the
critical sink(s). More appropriate formulations that consider both aspects
include [5-7], which focus on satisfying the timing specification in an ef-
fort to trade off the unnecessary delay reduction into area minimization. In
this chapter, we adopt a general formulation of minimizing cost subject to
timing constraints, where the cost can either be the wire length or a linear
combination of wire length and the buffer/driver cost.

Most traditional works [2-4] restrict the topology space only to points
on the Hanan grid [8] (to be defined later), since it simplifies the nature of
the problem. Under special problem formulations, where the unconstrained
objective is to minimize the wire length or a weighted sum of sink delays {2],
it can be proven that an optimal solution can be found by considering only
the Hanan grid points as candidate Steiner nodes. However, for the problem
of minimizing wire length subject to timing constraints, where both the
area and the delay are simultaneously considered during optimization, we
will show in Section 3 that the use of Steiner nodes off the Hanan grid
is necessary. It is important to note that the tree construction problem
that employs these non-Hanan nodes is inherently more difficult than one
that considers only Hanan nodes, since the topology search space is much
larger. As a prolog, we will first present, in Section 3, an algorithm where
the optimal net topology in the non-Hanan space is sought under a constant
driver size. A set of delay properties that can aid searching the optimal non-
Hanan Steiner nodes efficiently will be developed. Next, in Section 4, we
will use this theory as a baseline and expand it to overcome several limiting
assumptions. Firstly, we will broaden the set of available optimizations
to non-Hanan topology optimization, buffer insertion and driver sizing. In
particular, in case of buffer insertion, we consider a realistic situation that
buffers are allowed only at limited available spaces. Secondly, we will discuss
the importance of employing a higher order delay model for timing critical
nets, and will alter our delay metric to use asymptotic waveform evaluation
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(AWE) instead of the Elmore delay. Therefore, the algorithms presented in
this section constitute practical techniques for minimum cost Steiner tree
construction to meet the specified timing constraints. The interconnect
optimization methods presented in this chapter are based mostly on the
works in [7,9].

2 Preliminaries

2.1 Basic Definitions

A global net N is specified in terms of a source vy and a set of sinks Vi =
{v1,v2,...0p}. A routing problem for a net N is to find a set of Steiner
nodes Vsieiner = {Up+1, Up+2, -..Up+q} and a set of edges E = {eq, €3, ...ep4q}
to construct a rectilinear Steiner tree (RST) T(V, E), where V = {vg} U
Visink U Vsteiner, such that E spans all of the nodes in V. The traditional
definition of Vsieiner includes two types of nodes: (i) internal Steiner nodes
of degree three or four, denoted by the set Vipternat, and (ii) bend nodes of
degree two that denote a path switch between a horizontal and a vertical
direction, denoted by the set Vje,q. For example, a net with two sinks is given
in Figure 1(a). An internal Steiner node and a bend node are introduced
together with four edges in Figure 1(b) to form a rectilinear Steiner tree as
a routing solution. A bend node is introduced to make the tree conform to
the requirement of rectilinear space, and an internal Steiner node is usually
employed to reduce wire length. The location for a node v; is specified by its
coordinates (z;, y;), and an edge in E is uniquely identified by the node pair
(vj,v), and is denoted as ejx or e; interchangeably. Note that we assume
that vy is the downstream end of e;;. The edge length [;; is given by the
Manhattan distance between the two nodes, which is |z; — x| + Jy; — ykl.

A basic concept that is used in this work is the notion of delay violation.
If the delay at an arbitrary sink v, is t(v,) and the its required arrival time
is q(vg), then the delay violation A(v,) = #(vq) — q(vs)- In order to make a
routing tree to satisfy timing constraints, the delay violation of every sink
in the net should be non-positive.

2.2 Delay Models

We use the m RC model for a wire segment of length [, as shown in Figure 2,
where 7 and c are resistance and capacitance per unit length, respectively.
One popular delay model for interconnect is Elmore model [10]. We express
driver resistance as Ry and let C; denote the total downstream capacitance
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Figure 2: Model of a wire segment.

seen from node v;. The Elmore delay from driver to a sink vy is given as:
Cli i
tk=RisCo+ Y, rli(=L+Cy) (1)

2
e;jepath(vo,vy)

The Elmore delay model has been widely used in many research works due
to its simplicity and high fidelity [11]. Its simplicity not only removes the
need for large amount of computation, but also provides a platform on which
many theoretical properties can be derived and exploited.

For the routing of critical nets whose timing constraint is stringent, we
employ a fourth order AWE model [12]. The fourth order AWE model takes
higher order moment information into consideration and can provide a much
better accuracy, though the computation time becomes longer. The reason
for choosing the fourth order will be explained in more details in Section
4.1.

R(}

(]

ra

]

d

=
L

(a) (b)

Figure 3: Cascaded drivers and driver model.

For driver sizing problem, we consider the situation where the signal net
is driven by a series of cascaded drivers Dy, Dy, Ds....Dy, as in Figure 3(a).
The driver Dy is minimum sized and will not be changed in driver sizing.
The driver and buffer model that we will use is shown in Figure 3(b). We
denote the gate and drain capacitance of Dy as Cy and Cy, respectively. The
interconnect delay among these drivers is typically small and is neglected.
The driver resistance and capacitance are assumed to change linearly with
respect to the size of driver.



94 J. Hu and S. Sapatnekar

2.3 Soft Edges

(@ (b)
Figure 4: Routing with soft edges.

In the process of routing for one net, multiple options are sometimes available
and it is not obvious which of these is the best. Consider the example in
Figure 4, where a source vy and two sinks v; and v3 are given, and a minimum
Steiner tree is to be constructed on this node set by adding one node to the
tree at a time. Since a routing tree is built in rectilinear space, each edge
must be either horizontal or vertical. If we begin by connecting v; to vy,
there are two L-shaped connection options, shown by the dotted lines in
Figure 4(a); one bend is required for each connection. The delay and wire
length from v to v; are same in these two options and it is hard to see which
is better at this stage. Instead of fixing the edge orientation immediately
as in usual approaches, we defer this decision-making to a stage when the
effects of the these options can be discriminated. Here, we formalize this by
introducing another type of edge, a soft edge, whose route is not specified
until there is an obvious better choice.

Definition 2.1 (soft edge) A soft edge is an edge connecting two nodes
v;,v; € V, such that:

1. z; # zj and y; # yj,

2. its edge length l;; = |z; — z;| + |yi ~ yjl,

3. the precise edge route between v; and v; is not determined.

We will refer to the traditional edges in a rectilinear tree with fixed
orientations as solid edges. The soft edge connection between vy and vp is
shown by the solid curve in Figure 4(a). In order to minimize wire length,
the sink vo is connected to the routing tree at the closest connection (CC)
point, defined below, between vz and edge eg;.
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Definition 2.2 (CC point) The closest connection (CC) point between a
node vy and an edge e;; is defined by its coordinates zcc and ycc such that:

Tcc = median(z;, zj, Tr) and yoc = median(y;, Y;, Yx)-

Note that in Definition 2.2, the edge e;; can be either a soft edge or a
solid edge. If the CC point does not coincide with either of v;,v; and v,
a Steiner node is introduced at the C'C' point. In the example of Figure 4,
Steiner node wv3 is introduced. After this connection has been made, edge
e31 and e3y are solid edges.

At this stage, it can be seen that lower-L is a better choice for connecting
vp and v; than upper-L, since it provides a shorter wire length which is a
result reached through deferred decision making. The advantage of using soft
edges is that they provide a set of flexible connection choices for subsequent
routing steps and avoid premature suboptimal decisions. In fact, we do not
need to choose the lower-L when connecting vy and v;, and we may keep
the edge eg3 soft when v is joined as indicated in Figure 4(b). We will show
later that the use of soft edges also has advantages that aid utilizing buffer
spaces.

3 Non-Hanan Routing

3.1 The Motivation for Using Non-Hanan Points in Global
Routing

Drawing horizontal and- vertical lines through all the pins in a given net
results in the Hanan grid [8], illustrated in Figure 5(a). It is proved that
there is always an RST with minimum wire length embedded in the Hanan
grid as shown in 5(b) [8]. In the situation where the interconnect is purely
capacitive and has negligible resistance, the minimum delay tree is identical
to the minimum length Steiner tree, since minimizing the length is equiv-
alent to minimizing the delay. When the resistance of the interconnect is
appreciable, the type of route is determined by the stringency of the timing
specifications.

An appropriate problem formulation for the timing-driven routing prob-
lem is to minimize the total wire length subject to timing constraints. If the
timing specifications are very loose, then the solution to this problem would
be to minimize the total tree length, and would result in a minimum-length
Steiner tree. If the timing specifications are extremely tight, and the resis-
tance of the driver is much less than the resistance of the interconnect, a
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sink sink
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Figure 5: An example of Hanan grid and a minimum RST over the Hanan
grid.

star-like topology is generated. The star-like topology emanates at the root
of the tree and has direct connections from the root to each sink; this corre-
sponds to the maximum length for the tree. For intermediate specifications,
an intermediate solution between the minimum length Steiner tree and the
star-like topology is optimal. This is illustrated in Figure 6.

Sink 1

~——m Sink 1 Sink 1 [
Sink3 |Root Sink 2 Sink3 Root| _Sink2 Sink3 Root | Sink2
f A !
Sink 4 Sink 4 Sink 4
] |
@ (b) ©

Figure 6: Three scenarios for building a Steiner tree (a) Star-like topology
(b) Intermediate topology (c) Minimum-length topology.

In [11], it was proved that only points on the Hanan grid need be con-
sidered while solving the problem of minimizing the weighted sum of critical
sink delays. For the minmax problem of minimizing the maximum sink de-
lay, it was shown in [11] that it is possible to build a better solution by
considering points off the Hanan grid, but it was stated that such situations
are uncommon and can be ignored. In this work we show that it is possible
in cases to arrive at significantly better solutions by considering non-Hanan
points during Steiner tree construction for two problems:

(a) the minmax problem, and
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(b) the problem of achieving a specified delay at each sink node.
It should be pointed out that the problem (b) above can be transformed
into the form of problem (a).

a
Delay
[_?l 4)
99.0 Sink a
(0,0) 98.5
b : ; Sink b
98.0 H : 1 X
(x,0) (3,0) 00 033 y 1.0

Figure 7: Illustrating the effects of non-Hanan Steiner points.

Example 1: We illustrate a simple example in Figure 7 showing that a
non-Hanan node is required to minimize the maximum source-sink delay
during tree construction. Consider a net with a source at (0,0) and two
sinks, a and b, at (1,4) and (3,0), respectively. We assume, for simplicity,
a unit resistance and a unit capacitance per unit length. The driver has a
source resistance of 6, and the sinks a and b have load capacitances of 1
unit and 4.5 units, respectively. The delays are calculated here under the
Elmore delay model, described in Section 2.2. The variation of the delay
at each sink as the Steiner point z is moved from (0,0) to (1,0) is shown in
Figure 7!. The maximum sink delay for the tree is minimized at x = 0.332.

This example illustrates that in real design problems, the timing require-
ments at different sinks are often contradictory and it is necessary to arrive
at a solution where all of the sinks are considered together.

For the problem of achieving a specified timing constraint, it is also
easy to show that the optimal solution may lie at a non-Hanan point. Any
procedure that restricts of Steiner points to Hanan points alone would lead
to a larger than optimal tree cost. Therefore, for the problems of achieving
a set of specified sink delays, and of minimizing the maximum source-sink
delay, the best Steiner points do not necessarily lie on the Hanan grid.

3.2 Problem Formulation

We now describe a procedure for building a minimum cost tree that satisfies
the delay constraints at each sink. The procedure described in this section is

!The logic in [11] can be extended to show that a Steiner point to the right of (1,0) is
suboptimal.

2We caution the reader not to be unduly swayed by the modest delay reductions in this
simple example, it is possible to achieve more significant improvements on larger examples.
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referred to as the Maximum delay Violation Elmore Routing Tree (MVERT)
algorithm. Clearly, a positive value of the delay violation implies that the
constraints could not be met. A large negative value of the violation, on
the other hand, indicates the possibility of overdesign, and it is possible in
some cases to reduce the cost of the Steiner tree by bringing the violation
value to be closer to zero. This idea motivates the formal statement of the
MVERT problem as follows:

Problem 3.1 Given a signal net N with source vy and a set of sinks Vg =
{v1,v2,...,0n} construct a Steiner routing tree T(V,E) such that the total
length of the net is minimized while the delay violation at each sink node is
non-positive, i.e.,

minimize Yoveck lk (2)
subject to  t(v;) < q(v;)Vv; € Vyink

3.3 Method for Finding Optimal Non-Hanan Steiner Nodes

Since the restriction to a Hanan grid is no longer valid, the set of candidate
Steiner points is infinite, and it is necessary to find an efficient method to
identify the best Steiner points. We will introduce a method that utilizes the
properties of the delay function to arrive at a simple and efficient method
to overcome this challenge.

As defined in [11], a maximal segment is a set of contiguous edges either
all vertical or all horizontal. The work of [11] shows that the Elmore delay
at each sink is a concave function with respect to the location of a Steiner
node when the Steiner is moved along a maximal segment. Although by
definition, the orientation for a soft edge is not fixed, the concavity property
continues to hold for a soft edge, and we can extend the philosophy of non-
Hanan optimization to general edges including both solid and soft edges.

For a general form of a routing tree, shown in Figure 8, let us consider
the process of obtaining an optimal connection between node vy and edge
eij- The dashed lines are other nodes and edges of this routing tree, and
CC represents the closest connection point between vy and e;;. It can be
easily seen that any connection that is downstream of C'C cannot give an
optimal solution [11]. More specifically, we wish to search for an optimal
connection point within the bounding box defined by v; and CC. Suppose
we connect vy to e;; at point v'(z',y'). Let z be the Manhattan distance
from v’ to v;, Le., z = |z’ — z;] + |y’ — y;]. For convenience, we overload CC
as its Manhattan distance to v;. Similar to the work of [11], a delay function
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Figure 8: A general situation where node vy is to be connected to an edge

6ij.

model with respect to connection location for soft edges under the Elmore
delay is derived as follows.

If a node is not downstream of node v;, its Elmore delay from source is
as follows:

f1 = R4(Cy — cz) + Ao + Ai(lix — 2), (3)

where Ao and A; are constants. We use C; to denote the total load capaci-
tance seen from the last stage of driver if vy is connected to v;.
The Elmore delay from v; to v is given by:

f =rcz(—;— +lij — 2+ L — z) + r2(C; + Cy). (4)

From v’ to any node in T; which is the subtree rooted at v;, the delay
can be obtained as:

(20 40 )

Similarly, the delay from v’ to any node in T} is:

fo=r(ly -z

f3=T(lik’Z)(C—(li%—z)+Ck)+>\3- (6)
Both Ay and A3 are constants. If a sink is in Tj, its Elmore delay is
formed by the sum of fi, f’ and fo. When a sink is in T}, its Elmore
delay is the sum of fi, f' and f3. If a sink is not downstream of v;, its
Elmore delay is simply fi. In all these cases, the delay is either a linear or
a quadratic function of z with non-positive coefficient for the second order
term. Therefore, we can obtain the conclusion that delay for any sink is a
concave function with respect to z, which is concluded as follows.
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Theorem 3.1 Under the Elmore delay model, the delay at any sink in the
routing tree is a concave function with respect to z.

Consider the set of constraints on the routing tree from Equation (2).
Rewriting them in the form t(v;) — ¢(v;) < 0 for all sinks v; € Vi, we see
that the maximum violation must always be non-positive. Since each of the
t(v;)’s is a concave function of the connection point z by Theorem 3.1, and
since any concave function shifted by a constant is a concave function, this
implies that we must find a reconnection point z such that the maximum
of the set of concave functions is non-positive. This is pictorially shown in
Figure 9 for a net with four sinks, u, v, w, and y; they have the same timing
specification q. The maximum violation function is shown by the darkened
line. This piecewise concave function is composed of three concave pieces.
Note that the graph shows that sink u is never critical in this case, for any
value of z. The delay violation at each sink as a function of z is a concave
function and the objective is to find the value of z that is closest to CC
(corresponding to a minimal increase in the net length) that satisfies all
constraints. In Figure 9, this point is found to be z*. This point would, in
general, be a non-Hanan point.

Figure 9: Finding the optimal value of z that satisfies the timing constraints.

In searching for z*, we observe that it is possible to perform a search
on the value of z from 0 to CC, while taking advantage of the fact that
the value on each concave piece is minimized at its intersection with the
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concave piece on either side (if such a piece exists), or at 0 or CC otherwise.
In Figure 9, this translates to the fact that for the minmax problem, the
only candidate solutions are 0, p, b and CC. This permits a reduction of
the search space from the infinity of points between 0 and CC.

Delay
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Figure 10: Using piecewise concavity to speed up the optimization proce-
dure.

For the problem of meeting timing specifications at each sink, several
pruning strategies are possible for the search. Consider a binary search on
a concave piece with end points z; and z9 (21 < z2) with values f(z1) and
f(xQ)w respeCtive1Y- If Tspec > f(ml)v Tspec < f(:l,‘g) and Tspec < f(zl%Z)
as illustrated in Figure ‘10, then the search can completely eliminate the
interval [$3%2 25]. This follows from the fact that any concave function
over an interval is concave over any continuous subinterval. By a symmetric

argument, if Tspec > f (%2), then the search is reduced to the interval
(55 ).

The pseudocode corresponding to this search is shown in Figure 11. The
routing tree without subtree Ty is represented by T\T;. The efficiency of
the search can be greatly enhanced by taking advantage of the piecewise
concavity of the delay function. The search for z* is between 0 and CC in a
binary search fashion, and begins at C'C. If the value of the delay violation
at CC is negative, then we are done; otherwise we need to test at 0. We
use CS to represent the critical sink that has the maximum delay violation
Apazr = max{t(v;) — q(v;),Yv; € Viink}. U the Apyy is positive at both 0
and CC, and the critical sink at 0 is the same as at CC, then there is no
solution satisfying timing constraints. In this case, we choose the one gives
less delay violation between 0 and CC. A more complicated situation is
when Apq, at 0 is negative, or A,,,, is positive at 0 but the corresponding
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Algorithm: FindOptimalConnection(T%, T\, €;;)
Input:  Subtree T} rooted at sink vy
Partial routing tree T\T, edge e;; € T\T}
Output: Optimal connection between vy and e;;
1. Tentatively join v to CC, Apjt + Amag,
CSm't + sink with Amaw, Srit «— (CC, A”’t, CSrit)
2. If Apit. <0, return CC
3. Tentatively join v to v;
C'Slft + sink with Az, Slft — (vi, Amnaz, CSlft)
4. Return Search(Sist, Srit)
Function: Search(Sis:, Srit)
Fl. If A <0, return Sy
F2. If (Agpe > 0 and CSyyp == CSpit) or dist(vigt, vrit) < resolution
F3. If Alft < Ay, return Slft
F4. Else return Sy
F5. vmia « ((Zipe + Zrit) /2, (Yipe + Yrit) /2)
F6. Join v to e;; at Umids Dmid ¢ Amaz
CSmia + sink with Anaz, Smid < (Vmids Amid> CSmid)
F7. If Ayiq <0, return Search(Snid, Srit)
F8. S, « Search(Smid, Srit)
F9. If A, <0, return S,
F10. S; + Search(S;st, Smid)
F11. If A; < A, return S;
F12. Else return S,

Figure 11: Algorithm for finding an optimal connection point between a sink
and an edge.

critical sink is different from that at CC. Then, the search proceeds as a
quasi-binary search, as shown in the function Search(S;s;, Sy;t) in Figure 11.
The notation'S indicates a solution which is a triple of (connection node,
Amag. critical sink), and Sjy; and Sy;; imply the solutions at the left and
right end of the search interval. If the size of the interval is less than a user
specified resolution, the search terminates(line F2-F4 in Figure 11). If the
connection at the middle point of the interval yields a non-negative A4z,
the search continues only on the right half of the interval (line F7 in Figure
11); otherwise, the left half may be searched as well(line F8-F12 in Figure
11).
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3.4 Non-Hanan Optimization Flow

The MVERT algorithm' is divided into two phases: (I). The initial tree
construction phase, where an initial tree is heuristically built to minimize
delay. (II). The cost-improvement phase, where the tree is iteratively refined
to reduce its cost while ensuring that it meets all timing specifications.

The tree construction in Phase I is similar to the SERT construction pro-
cedure in [11]. The essential idea of the SERT method is based on building a
greedy Steiner tree using an approach similar to Prim’s algorithm. Starting
with a trivial tree T consisting of only the source vy, the tree is iteratively
built by joining a sink v outside the tree to an edge (or the source) in the
tree so as to yield a tree with the minimum Elmore delay. The iterations
continue until all sinks have been included in the tree.

The initial tree constructed above considers only Hanan grid points as
candidate Steiner points. Therefore, it attempts to connect each point ei-
ther to the closest connection (CC') or the upstream end of an edge, or the
source directly. If the delay associated with a C'C connection were larger
than the delay associated with a connection to the upstream end, then the
algorithm will not choose connection at CC. However, due to the interac-
tions between paths the MVERT solution may lie at a different (and possibly
non-Hanan) point, and the connection to the upstream end of an edge may
result in a larger net length than is necessary. Therefore, we examine the
tree constructed in Phase 1 and move node connections from the upstream
end of an edge towards C'C in a bid to reduce the tree length while ensuring
that all timing constraints are satisfied. The idea is illustrated in Example
1 (Figure 7) for the constraint of 98.8 units, where we see that a connection
to (y,0) is preferable to a connection to (0.33,0).

The pseudo code for the non-Hanan optimization is shown in Figure 12.
We sort all the sinks in a descending order of distance from the source. For
each sink v we disjoin it and its downstream subtree T} and reconnect it
back. The reconnection is tested to each edge e;; in the remaining tree T\T}.
The optimal connection point is found through the procedure described in
Figure 11. Finally, we choose the edge providing the largest improvement
to join vx and Ty. If a routing tree has a positive A,,,;, an improvement
refers to a less Apy,z; otherwise, a wire length reduction implies an improve-
ment. The experimental results in [7] show that non-Hanan optimization
can provide about 5% — 40% timing-constrained wire length reduction over
the SERT algorithm.
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Algorithm: Non-Hanan_Optimization(T)
Input:  Routing tree T(V, E)
Output: Optimized routing tree T”
. T'=T
Sort all the sinks in descending order of distance to source
For each vg € Vgnk
Disjoin v, and its subtree T} from T
For each edge e;; € T\T}
Reconnect vy, to e;; at FindOptimalConnection(Ty, T\ T}, €;5)
If 3 improvement compared to 7"
T =T
Return 7"

© 0N O W

Figure 12: The non-Hanan optimization algorithm.

3.5 Complexity Analysis

As shown in [11], the computational complexity in Phase I is O(n*), where
n is the number of sinks. In Phase II, each sink is processed precisely once,
in routine showing in Figure 12. The cost involved in processing a sink vy, is
in finding a reconnection point. The connection is tested for at most O(n)
edges in the remaining tree of T\Tx. The complexity of finding optimal
connection between a node and an edge is determined by the number of
iterations K in the procedure of Figure 11. In each iteration, O(n) compu-
tation time is spent on Elmore delay calculation. Thus the complexity in
Phase Il is O(n3- K). If the maximum edge length in tree T is lyqz and the
resolution in procedure of Figure 11 is €, then the number of iterations is
bounded by min{n, ngl}, since there are at most O(n) pieces in the piece-
wise concave Ay, function. Therefore, the complexity of Phase II is is
O(n® - min{n, maz}), and the complexity for MVERT algorithm is O(n?).

4 Enhanced Non-Hanan Optimization for Timing
Critical Nets

4.1 The Motivation for Using Higher Order AWE Model

As interconnect wires become increasingly thinner and longer, the intercon-
nect resistance may overshadow the driver resistance. Consequently, the
downstream capacitance is shielded to the driver resistance by the intercon-
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nect resistance. This effect is called resistive shielding [13]. The Elmore
delay does not correctly take the resistive shielding effect into account and
tends to overestimate the delay. This error can be remarkably large, espe-
cially for the stub situation (i.e., when a sink that is close to the source
co-exists with a much longer wire), where the Elmore delay can be several
times larger than the actual delay.

(5000, 7000)

(-500, 400)
(70, 300)

(800, 300)

©.0 (400, -200)

Figure 13: A routing tree on which Elmore delay gives large errors.

Table 1: A comparison of the Elmore and the 4th order AWE delays with
SPICE

Dist. | SPICE | Elmore Error | 4th AWE  Error
370 13.6 52.5 286% 12.8 -6%
600 9.5 39.8 319% 8.9 -6%
900 10.7 40.5 279% 10.5 -2%

1100 26.2 774 195% 25.5 -3%

12000 283.2 257.5 -9% 282.4 -0.3%

Table 1 shows an example of a net with five sinks to illustrate the inac-
curacy of the Elmore delay. The routing topology of this net is illustrated
in Figure 13. The load capacitance is the same for each sink. The delays at
all sinks are computed using the Elmore formula, fourth order AWE and a
SPICE transmission line model, and the percentage errors relative to SPICE
are calculated. The Manhattan distance from each sink to the source are
also listed for reference. We can see that the error of Elmore delay can be
over 300% and the delay from fourth AWE is clearly superior. In fact, as
the minimum feature size shrinks, this trend will become more and more
severe.
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Figure 14: An example where using the Elmore delay and a higher order
AWE delay may result in a different connection choice.

To see how this will affect non-Hanan routing, consider the graph in
Figure 14. The graph plots the delay violation function against the location
of the connection point, z. The dotted curve indicates the Elmore delay
while the solid curve represents the fourth order AWE result. The solution
corresponds to the point closest to CC where the delay violation function
is negative or zero. For the Elmore delay, which overestimates the delay
near the source, no solution is found, whereas an actual solution exists and
corresponds to z*.

On the other hand, we have observed that the Elmore model tends to
under-estimate delay at sinks far from the source®. This may lead to the
opposite error, as can be seen in the last row of Table 1. This under-
estimation may result in over-reduction of cost while the timing constraints
have not been satisfied yet. On the whole, a higher order model is greatly
superior to the Elmore model in handling non-Hanan points.

The conclusion from Section 3 on non-Hanan optimization is also valid
under a higher order AWE model according to the experimental results
shown in Table 2 and 3. The leftmost column in each table lists the number
of sinks in each net. The technology parameters are same as those in [9].
The experiment starts by constructing routing trees for each net through
SART, which is same as SERT [11] except that the Elmore delay model is
replaced by a fourth order AWE model. The experimental results from this

3The Elmore delay is theoretically proven to be an upper bound on the delay of an RC
network in [14]. However, in practice, greater accuracies are obtainable by multiplying the
Elmore delay formula of [15] by a factor of In2, and we refer this quantity as the Elmore
delay in our discussion, and this may be either optimistic or pessimistic.
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Table 2: Comparisons between using and without using Hanan nodes under

fourth order AWE model on .18um IC technology.
SART Hanan NonHanan

n A'ma:c I w Amax J w Amaz I w
5 38.4 | 226 17.4 | 258 -9.4 | 226
5 10.1 | 204 -1.0 | 209 | -24.9 | 188
5 42.9 | 288 | -29.2 | 290 -6.2 | 279

10 17.3 | 388 7.3 | 381 -3.5 | 354
10 36.9 | 417 12.4 | 383 -3.1 | 396
10 52.4 | 502 7.5 | 526 -7.7 | 491
15 27.1 | 570 -5.2 | 539 -4.7 | 488
15 81.5 | 583 -3.1 | 508 -7.1 | 456
20 97.7 | 604 -5.0 | 612 | -25.4 | 555
20 7.1 | 671 -2.8 | 666 -1.4 | 616

[Ave | 411 [445 | -02]437] -9.37]405]

step are provided in column 2 and 3 in Table 2 and 3. The total wire length
is denoted as W in unit of 100um and the maximum delay violation for each
net is represented as Apqy in ps. Then, the optimization scheme in Figure
12 are performed on the SART trees also under a fourth order AWE model.
We restrict the connection point in line 6 of Figure 12 to be only Hanan
point in one variant of this optimization whose results are shown in column
4 and 5 in both tables. The results from original non-Hanan optimization are
in the rightmost two columns. We can see that routing solution using only
Hanan points sometimes results in positive delay violations, and these delay
violations may be eliminated through using non-Hanan points. Moreover,
using non-Hanan points can yield more wire length reductions.

In the computation of fourth order AWE delay, we first use the RICE
algorithm [16] to obtain the moments. We solve the denominator of Padé
approximation result, which is a fourth order polynomial, using a closed-
form formula to obtain the poles. After an inverse Laplace transformation,
the time-domain exponential functions are expanded about the Elmore de-
lay to fourth order Taylor series polynomials. A closed-form solution to
a fourth order polynomial exists and may be used to calculate the delay
value. Since the Elmore delay may be far off from correct value, sometimes
the expansion about Elmore delay may still cause significant error, though
it is much smaller than the error from the Elmore delay. We restrict such
error by another iteration with expansion about the result from the first
iteration. This process is iterated until convergence, and we found that we
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Table 3: Comparisons between using and without using Hanan nodes under

fourth order AWE model on MCM technology.
SART Hanan NonHanan
n | Amaz I w AmazJ W | Amac I W
5 200 | 585 | -17.9 | 543 -9.8 [ 502
5 68.9 | 428 -2.3 | 532 -1.6 | 490
13.7 499 6.7 480 -19.5 472
10 93.0 | 803 14.3 | 760 83| 784
10 25.1 819 21.2 782 -1.6 662
10 18.2 845 -2.1 924 -2.3 806
15 42.4 | 1258 -4.0 | 1221 -14.2 | 1192
15 48.3 | 1110 -54.5 | 1119 -35.8 | 1004
20 64.8 | 1518 11.2 | 1469 -11.2 | 1410
20 | 268.1 | 1473 -0.5 | 1445 -12.0 | 1286

[Ave | 662 | 934 | -28] 927 ] -11.6 [ 861 ]

o

always converged within three iterations. This method is related to the
Newton-Raphson root-finding method: the Newton-Raphson method uses
a first order Taylor series in each iteration, and our method uses a fourth
order expansion instead.

The reason that we choose fourth order instead of a second or third order
model is that a second order yields less accuracy and for many examples
that we tried, and we found that the third order model induces positive
poles more often. The computation overhead for models with order greater
than four is large, since there is no closed form solution for equations with
order beyond four. The additional computation cost of fourth order AWE
as compared to a second order model is minor.

4.2 Integrated Buffer Insertion and Non-Hanan Optimiza-
tion

We will present the integrated Buffer Insertion and Non-Hanan Optimization
(BINO) algorithm for the timing critical nets. The motivation for combin-
ing buffer insertion with non-Hanan optimization can be illustrated by the
example in Figure 15. In order to reduce wire cost, it is desired to move
the connection point as close to CC as possible, i.e., to maximize z. How-
ever, the value of 2 may be capped by the constraint of non-positive delay
violation as illustrated in Figure 15(a). The utility of buffer insertion is to
relax this timing constraint, if possible, so as to achieve further wire cost
reduction as in Figure 15(b).
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(a) (b)

Figure 15: An example that buffer insertion can reduce wire cost further in
non-Hanan optimization.

This algorithm is applied in a post-placement scenario where buffer in-
sertion is possible, but it is preferable to do so in regions that are left un-
occupied by any cells, so as not to disturb the placement. This method is
also applicable to MCM technology, where a buffer location is desired to be
within a chip and close to its chip bond pads, because it is not cost-effective
to insert a buffer either on the substrate between chips or within a chip but
far from any bond pad. The input to BINO then includes a set of pre-defined
available buffer spaces scattered in the routing region. These buffer spaces
are represented by small squares, as demonstrated by the dark grey areas b;
and b9 in Figure 16 (a). It is assumed that only one buffer can be inserted
in each space and the center of the buffer must lie within the square. Larger
buffer spaces can easily be expressed as a union of small spaces.

Intuitively, a buffer space is considered for buffer insertion only when a
routing path passes through it, since no extra wire cost is incurred under this
condition. However, even if no path passes through a buffer space, it may
be worthwhile for the wire to make small detour to increase the possibility
of exploiting a buffer space. Based on this idea, we define a territory box
for an edge as follows:

Definition 4.1 (territory box) For an edge e;;, its territory box is a rect-
angle specified by lower-left corner point (Tmun, Ymin) and upper-right corner
point (Tmaz, Ymaz), Such that:

Tmin = min(z;, 1;) — ¢,

Ymin = min(yia yj) - ¢,

Tmax = ma'x(zi»mj) + ¢,

Ymae = max(yi, y;) + ¢,
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(d)

Figure 16: Buffer spaces, the territory box and their applications in buffer
insertion.

where ¢ is a small amount of offset.

The idea of a territory box is demonstrated by the light grey regions in
Figure 16(b). Note that the territory box for the soft edge ep3 is larger than
for any solid edges between vy and v3. The rule that we will follow is as
follows: a buffer space is considered for buffer insertion in an edge only when.
there is an overlap between this buffer space and the territory boz of this edge.
In the example of Figure 16, buffer space b, overlaps with the territory box
of edge eg3 and by overlaps with the territory box of esq; therefore, we can
insert buffers v4 and vs as in Figure 16(c). After the non-Hanan optimization
following the buffer insertion, the wire slack in Figure 16(c) may be removed
and the tree shown in Figure 16(d) may be obtained. This example shows
that the use of soft edges can greatly increase the possibility of overlap
as compared to using predetermined L-shaped connection composed of two
solid edges.

We consider both inverting and non-inverting type buffers in our work.
The inverting type buffer is simply an inverter and the non-inverting type
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buffer is composed by a pair of cascaded inverters. The inverter model is
same as the driver model in Section 2 and has a medium driver size.

We use A(v;) to represent the delay violation at sink v;. The gate and
drain capacitance of an inverting buffer are denoted as Cgy and Cg,. The
total wire length is represented as W and v is the weighting factor for the
wire cost. The simultaneous buffer insertion and non-Hanan optimization
problem is to minimize a weighted sum of buffer and wire cost subject to
timing constraints. This is formulated as follows.

Problem 4.1 Given a source vy, a set of sinks Vsini = {v1,v2...0p}, timing
specifications Q = {q1,92,....qn} for all sinks and a set of available buffer
spaces P = {p1,p2,...,Pm}, construct a Steiner routing tree and choose a
subset B;y C P and Bp; C P on which inverting and non-inverting buffers

are inserted, respectively, such that the following is solved:

minimize 7CW + (1 - 7)(Cgb + Cdb)('-Bi'ul + 2|Bni|)
subject to: maxy,ev,,,, A(v;) <0 (7
for a specific y 0<y<1

The purpose of including ¢ (wire capacitance per unit length), Cgy and
Ca in the objective function is to normalize the wire and the buffer cost
into comparable quantities.

The algorithm of BINO consists of two phases. Phase I is the routing
tree construction process called SART (Steiner AWE Routing Tree), and is
similar to SERT [11] except that the Elmore model is replaced by a fourth
order AWE model and soft edges are employed.

In Phase II of BINO, the non-Hanan optimization framework in Figure
12 is embedded in a greedy buffer insertion scheme illustrated by Figure
17. On each buffer space, we insert a buffer tentatively and conduct non-
Hanan optimization. After all of the buffer spaces have been tested, the
solution that can provide the largest improvement is chosen as the final
decision. This process is repeated iteratively until there is no improvement
or no buffer space left. The optimal solution of assigning inverting or non-
inverting type to each buffer (line 6 in Figure 17) can be achieved through
dynamic programming.

Since we only insert one buffer in each iteration, the ability to obtain
an optimal buffer insertion solution is hindered, as shown by the single-sink
example in Figure 18. It is well known that optimal buffer locations often
distribute evenly along an interconnect path [17]. Therefore, for the net in
Figure 18, the optimal solution may be as shown in Figure 18(d). If we
insert only one buffer in an iteration, the first iteration is likely to result
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Algorithm: BINO _IterativeBufferInsertion
Input: SART T'(V, E), a set of buffer spaces P
Output: Buffered and non-Hanan optimized routing tree T
1. While P # ) and 3 improvement
2. ForeachpeP
For each edge e;; € E
If p overlaps with the territory box of e;;
Insert a buffer into e;; at p tentatively
Assign inverting/non-inverting type V buffers € T
Perform non-Hanan optimization for T' (Figure 12)
Insert buffer at ppess, which gives the largest improvement
P+ P ~— Dbest

LN T W

Figure 17: BINO, iterative buffer insertion algorithm.

in the scenario shown in Figure 18(b) and the optimal solution cannot be
reached.

(b)
(a)

©

Figure 18: Iterative buffer insertion vs. iterative buffer deletion.

In order to alleviate the above difficulty, we supplement the method with
an iterative buffer deletion procedure using a method similar to [18], that is
described in Figure 19. In this scheme, we first insert buffers at all spaces
that overlap with any edges. Then we delete one buffer in each iteration in
a greedy fashion similar to iterative buffer insertion. Since this proceeds in
the opposite direction as compared to the iterative buffer insertion, it plays
a complementary role. For the example in Figure 18, the iterative buffer
deletion starts with (c) and can naturally result in the optimal solution
in (d). On the other hand, if the optimal solution is (b), iterative buffer
deletion is worse than iterative buffer insertion.

In our work, we perform both iterative buffer insertion and iterative
buffer deletion independently for a net and choose the better of the two
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Algorithm: BINO _IterativeBufferDeletion

Input: SART T(V, E), a set of buffer spaces P

Output: Buffered and non-Hanan optimized routing tree T
1. B« 0

2. Foreachpe P

3. Foreachedgee;; € E

4 If p overlaps with the territory box of e;;

5. Insert buffer b into e;; at p
6

7

8

B+ BuUb
Assign inverting/non-inverting type Vb € B
. While B # () and 3 improvement.
9. For each buffer b € B
10.  Remove b from T tentatively
11. Assign inverting/non-inverting type Vb € B
12. Perform non-Hanan optimization for T (Figure 12)

13. Remove buffer by.s;, which gives the largest improvement
14. B+ B - bbest

Figure 19: BINO, iterative buffer deletion algorithm.

results.

4.3 Simultaneous Non-Hanan Optimization and Driver Siz-
ing

The task of delay optimization of a circuit consists of appropriately opti-
mizing the gates and optimizing the interconnect wires. The gates may be
optimized through actions such as mapping the circuit to a set of complex
gates (possibly from a library) and/or sizing the gates to achieve the requisite
driving power. For optimal circuit design, the cost of the optimization must
be borne equally by the gates and by the interconnects in an interconnect-
dominated environment. The driver sizing problem is to choose optimal
number of driver stages h and the proper size for each driver. We choose
the ratio of driver size at one stage to its previous stage to be uniform and
refer to it as the stage ratio p. In this section, we introduce the algorithm
of simultaneous non-Hanan optimization and driver sizing, which is called
FAR-DS (Full-plane AWE Routing with Driver Sizing).

The objective of FAR-DS is to minimize the cost of the routing tree,
subject to a timing constraint at each sink. In contrast with MVERT, we
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extend the cost here to include both wire cost and driver cost, i.e., we per-
form topology optimization and driver sizing simultaneously. The rationale
behind this is to permit the driver to share the task of delay optimization
with the interconnect by sizing it, thereby obtaining a better result than op-
timizing the driver size and interconnect topology separately. We formally
state the problem formulation as follows.

Problem 4.2 Given a source vy, a set of sinks Vg, = {v1,v2...05}, timing
specifications Q = {q1,92,.-.qn} for all sinks, and stage ratio bound pmas,
construct a Steiner routing tree and find p, h such that:

minimize ycW + (1 —7)(Cq + Cy) Z;-’zl o
subject to: maxyev,,,, Avi) <0 (8)
and 1< P < Pmaz-

The second term in the objective function is from the total driver ca-
pacitance. The objective function can be interpreted as a minimization of
the total wire length and total driver capacitance. The parameter v is a
user-specified weighting factor.

For a general connection of a node and its downstream subtree to a
partial tree, as illustrated in Figure 8, where a node vg is to be connected
to an edge e;;, we investigate the properties of the delay violation function
with respect to z and p in a two dimensional space. The delay from the
cascaded drivers is given by:

Tp = hRy(Cy + pCy) (9)

We can combine the interconnect delay discussed in Section 3 with Tp to
obtain a general form of the delay violation of any sink A(v,) as a function
of the connection position z and p, under the Elmore model as:

Ry(Cy —
Asa) = (z,p) = ~azres® + TUUZD ozt ReGypp+an (10

where

az =0orl, OSZSCC<%, 1 < p < Pmas, (11)

with ap and a; being constants. The parameter C; is the total load ca-
pacitance seen by the driver in the last stage when v is connected to v;
directly.
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When p is fixed, A(vy) = f(2) is a quadratic function of z and the
coeflicient of the second order term is non-positive. Therefore we can obtain
the following result:

Property 4.1 A(v,) = f(z,p) is a concave function for a constant value
of p.

If we keep z constant, there are also properties that will help the search
for the optimal solution. These properties can be found by investigating the
partial derivatives of A(v,) with respect to p as follows:

0A(va)

5 = —Ro(Ct — c2)hp™ 71 + RyCyh (12)
2A
%@—)- = Ro(Cy — cz)h(h + 1)p~h2 (13)

2
Since C; > cz, a—gé;—“l > 0 is always true, thus we have the following
property:

Property 4.2 A(vy) = f(z,p) is convez function for a constant value of z.

If we let Q%g;—“l = 0, we can obtain a curve defined as follows:

/Ct — Cz
— h+1

Property 4.3 f(z,p) has minimum value along the curve defined by equa-
tion (14).

This property is especially useful in solution search, since it predicts the
bottom of the valley shaped delay violation function surface in the two-
dimensional space of z and p. One observation is that the curve in equation
(14) is independent of which sink is considered, i.e., equation (14) defines
the bottom of valley for the delay violation functions of all the sinks. We
call the curve defined by equation (14) the valley curve for delay violations.

In equation (14), when z is at CC, the numerator reaches the minimum
and becomes the total load capacitance seen by the driver in the last stage
when vy is connected to CC. Obviously, this total load capacitance is always
greater than the minimum gate capacitance, Cgy, of a driver. This fact
provides the following property:
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Property 4.4 If0 <2< CC, then p = h+1/_t_C(;gcz > 1.

If we substitute equation (14) into equation (10), we can obtain another
important conclusion:

Property 4.5 A(v,) = f(z,p) is a concave function of z along the curve
defined by equation (14).

This valley curve also sets a border for different monotone properties
with respect to p as follows:

Property 4.6 For a specific z, f(z,p) is a monotone decreasing function
of p when p < h+,1/g'fc?g—”.

These properties are derived from Elmore delays. Though the Elmore
delay may have large errors for specific points, its qualitative fidelity is still
true [11] and can serve as good strategic guide. Our experimental results
also support this assertion.

Same as BINO, the algorithm of FAR-DS also includes two phases with
Phase I being SART. In Phase II of FAR-DS, a two-dimensional search
replaces the role of the quasi-binary-search in MVERT, which is line 6 in
Figure 12, to find an optimal connection point and driver size simultaneously.

When we reconnect a node v to an edge e;;, we look for a 3-tuple (z, p, )
such that the objective function of Problem 4.2 is minimized while the delay
violations for all sinks are non-positive. We vary h between 1 and h,,q, and
search an optimal (z, p) pair in a two dimensional plane for a fixed h value.

For this case, cW = C¢ — cz and the objective in Problem 4.2 can be
translated to:

minimize g = —ycz + (1 —7)(Cy + Cy) Z;-’:l P
subject to: maxy,ev,,,, Av) <0 (15)
and 0<2<CC, 1<p< pmag-

For a specific value of g, the objective function above corresponds a
curve in the (z, p) plane, as the objective curves shown in Figure 20. The
objective (15) can be interpreted as to find a point in (2,p) plane such
that the constraints in (15) are satisfied at this point and the point is on a
objective curve as low as possible.

We will illustrate the optimal solution search scheme through the Figure
20. The solution search can be restricted within the rectangle bounded by
0 <2< CCandl < p < ppaz. Consider the valley curve defined by
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(a) (b)

() @
Figure 20: Solution search scheme for FAR-DS.

equation (14). This curve is always above p = 1 in the interval 0 < 2 < CC,
according to Property 4.4 . One common scenario is that this valley curve
intersects with upper border of the rectangle at a point a and with the right
border at b, as in Figure 20(a). From Property 4.3 and Property 4.6, we can
say that in the rectangle defined above, A(v;) reaches its minimum on the
segment p = pPpq, to the left of a, and on valley curve specified by equation
(14) to the right of a. These two segments can be integrated into a single
function:

h+1

p= min(pmam ),0<2<CC (16)
Og

which is the thickened line in Figure 20 (a). Note that equation (16) is valid
even when the valley curve does not intersect the rectangle, or if the set of
points on the segment to the left of point a is empty. This function provides
us with a convenient way to check for the existence of a solution within the
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rectangle. From Property 4.3 and Property 4.6, if no solution that satisfies
all constraints exists on the curve defined by equation (16), then we can
say that no solution exists within the rectangle. According to Property 4.1
and Property 4.5, A(v;) is a concave function on the curve (16), both to the
left and to the right of point a. Thus, we can apply the quasi-binary-search
technique in Section 3.3 to search for the rightmost solution on this curve
that satisfies_all constraints. If such a solution exists, we call it the zero
order solution, designated as Sp(29, po) in Figure 20(a).

After the zero order solution has been found, the region can be further
refined to search for the optimal solution. This is demonstrated in the shaded
region in Figure 20(a). The region z > zp can be excluded, since no feasible
point exists on the valley curve in this region. An objective function curve
is drawn through Sy, which satisfies:

H'Mz-

go = —yezo + (1 —v)(Cy + Cd (17)

We can eliminate the region that lies above this curve, because the value
of g at all points above this line exceeds go. The remainder of the search
space is the sector confined by the objective function curve defined by (17),
by z = 2y and by p = 1, which is indicated by the shaded region in Figure
20(a).

The search within this sector also proceeds in a binary search fashion,
by starting from the middle segment defined by p; = (14 pp)/2, which is the
thickened segment in Figure 20(b). On this segment, Property 4.1 holds and
a quasi-binary-search can again be applied to obtain the rightmost solution
on it, namely, S;(z1,p;1); we refer to this as the first order solution. After
the first order solution has been found, the previously described solution
refinement technique can be used to obtain two new smaller sectors shown
by the shaded regions in Figure 20(c) where the optimal solution will be
searched. Even if there is no solution on this segment, the search region can
be refined to the two sectors like in (d). We call this solution search scheme
as valley-guided search (V-search), and describe it in Figure 21.

The above is the method to search optimal (z, p) for a specific h. The
optimal h is found by a sweep from h = 1 to h = h,,4, and the above search
is carried out for each h value. The value of hy,,, is given by [19]:

In(Cy/C
hmaz = {——-—( A 9)] : (18)

mar — ln p*
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Algorithm: FAR-DS_ReconnectVSearch

Input:  Routing tree T\T}, subtree Tk, node vy, edge e;;
Output: Optimal connection between vy and e;;, p and h

1. For h=1; h < hypay; h++;

2. Search solution along valley curve defined by equation(16)

3. If no solution found, return

4. So(zo, pg) < rightmost solution

5.  SearchSector(.Sp, 1)

Function: SearchSector(S;op, Ppase)

F1. Obtain curve giop = —YC¢2top + (1 —7)(Cy + Cy) Z?zl p{op

F2. pmia = (Ptop + Pbase)/2

F3. Smid(#mid, Pmid) ¢ intersection between curve giop and p = pmiq
F4. Search solution along p = pn;q between zp,;q and zp

F5. If no solution found

F6. If ppmid — Prase < resolution, return no solution

F7. Return SearchSector(Stop, pmia) and SearchSector(Smid, Pvase)
F8. Else

F9. If ppid — Prase < resolution, return rightmost solution

F10. Snid(Zmid, Pmid) < rightmost solution

F11. Obtain curve gpig = —Y¢Zmig + (1 —7)(Cy + Cy) E?:l Phia
F12.  Siop(2top, Ptop) < intersection between curve gpiq and z = 240p
F13. Return SearchSector(Stop, pmid) and SearchSector(Smid, Pvase)

Figure 21: FAR-DS, reconnection and driver sizing in valley-guided search.

Cy
Cyp*

Inp*=1+ (19)

Since the use of valley curve increases the dependency of the solution on
the Elmore delay model, and we use a higher order AWE model to evaluate
the delays for every sink in our algorithm, it is possible that the discrepancy
between Elmore model prediction and the actual AWE evaluation may give
rise to a suboptimal solution.

We suggest an alternative search method called the iterative search (I-
search) scheme that does not depend on Elmore model quantitatively and
illustrate it in Figure 22. In this method, we begin with an initial p and
perform non-Hanan optimization to obtain an optimal z for this value of p.
Next, this z is fixed and an optimal p is searched and so on. This process
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Algorithm: FAR-DS_ReconnectISearch

Input:  Routing tree T'\T}, subtree T, node v, edge e;;
Output: Optimal connection between v; and e;;, p and h
1. For h =1; h < hyee; h++

2.  p + initial guess

3. While 3 improvement

4, Search zpes; which gives best improvement while p is fixed
5. Z ¢ Zpest

6. Search ppes: which gives best improvement while z is fixed
7. P < Poest

Figure 22: FAR-DS, reconnection and driver sizing in iterative search.

is repeated until there is no further improvement. From Property 4.2, we
know that the delay violation function A(v;) is a convex function along p
direction, thus, we cannot apply the quasi-binary-search suggested in Section
3.3 along p direction. We perform the search in a manner between binary
search and linear search. If the maximum delay violation is non-positive for
a specific value of p, we continue to search a better solution at a smaller p
value, otherwise, we must search at both larger and smaller values.

4.4 Complexity Analysis

From Section 3.5, the computation cost for MVERT is O(n?). Although we
use the fourth order AWE instead of Elmore in BINO, as the number of
iterations is fixed, the complexity for each delay calculation remains O(n).
Thus the cost for Phase I (SART) in BINO is O(n*). In Phase II of BINO,
there are two layers of iterations outside of each non-Hanan optimization,
each of which is upper-bounded by the number of buffer spaces. The com-
bination of the total cost is O(m? - n*). This conclusion is true for both
iterative buffer insertion and iterative deletion.

The complexity of FAR-DS is same as MVERT in the outer loops. The
difference is at the computation cost of reconnection part (line 6 of Fig. 9),
where FAR-DS performs a search in the entire (z, p) space. The computation
factor from searching along the p direction is bounded by (pmer — 1)/7,
where 7 is the resolution on p. Since the h value is swept from 1 t0 hmgz,
the complexity of FAR-DS is O(Amaz - n* - fmaz),

The above results only provide a loose bound, because the worst case for
the quasi-binary-search along the z direction is almost impossible in practice.
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Therefore, the computation cost in average case is one order lower than the
above theoretic results.

5 Conclusion

A new technique for finding a minimum cost Steiner tree subject to tim-
ing specifications at the sink nodes has been presented. It has been shown
that the use of non-Hanan Steiner nodes can provide noticeable benefits in
improving the cost of the tree. When we extend the non-Hanan optimiza-
tion to improve the performance of critical nets where both timing and wire
resources are stringent, buffer insertion is shown to be a strong augmenta-
tion to the timing optimization toolkit, even with location restrictions. A
combination of driver sizing and non-Hanan optimization can provide a con-
tinuous two-dimensional space. A search for the optimum in this space may
be guided by properties derived from the Elmore delay model, which may
have large quantitative errors but good qualitative fidelity. These properties
are used to direct heuristics that use a fourth order AWE model for wire
delay calculation. It is shown through experiments in [9] that combining
non-Hanan optimization with buffer insertion or driver sizing can yield av-
eragely 20% wire length.reduction over SERT algorithm for timing critical
nets in contrast to an average of 10% reduction from MVERT.
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as layer assignment, via resistance, wire-to-wire coupling capacitance, wire
width and signal buffering now play major roles in determining signal delay.

This chapter addresses a series of design automation problems of the
following general flavor: if we are to route a signal between two pins, how
do we best take advantage of the various resources available (e.g., metal
layers available, buffering resources, etc.) to improve signal delay? It is
also the case that there tends to be a tradeoff between “cost” (e.g., routing
area, buffer area, etc.) and delay. Because different nets will be competing
for timing optimization resources, this notion is crucial in practice. This
aspect of optimization is also emphasized throughout the chapter. The
notion of cost depends on exactly how one decides to perform system-level
optimization. For example, it may be wise to assign higher cost to buffers
in regions where buffers are scarce, or higher cost to wiring segments in
highly congested regions of the layout. Such issues are beyond the scope of
this chapter, but an effort is made to maintain generality of cost models (or
present means to achieve such generality).

An overview of the topics covered herein is as follows.

Basic Timing Driven Maze Routing (TDMR): Thisis perhaps the sim-
plest practical formulation to examine: given technology parameters,
a target routing graph in which each edge is annotated with wire resis-
tance r and capacitance c and a source vertex s and destination vertex
t; find a minimum delay path from a s to ¢ which minimizes delay or
minimizes total capacitance subject to a delay upper bound. While
the first formulation may appear to be solvable by a simple shortest
paths algorithm, this is not the case: because of the nonlinearity of
RC delay, we need more general methods. The result is a so-called
pseudo-polynomial algorithm which is described in detail. Since such
algorithms tend to be computationally expensive, speedup techniques
based on the A* algorithm are presented. This material draws from
several works in the area including [20] and [12].

Incorporating Buffer Insertion: Buffer insertion is perhaps the single
most powerful delay optimization tool currently available for on-chip
interconnect. One approach to the buffering problem is to first deter-
mine the (rough) signal route and then insert buffers where appropri-
ate (and possible) along this path. However, as was noted by Zhou et.
al. [20], such a flow is inherently suboptimal particularly when one
considers that it is often the case that buffering resources are scarce
and/or not uniformly distributed. As a simple example, consider the
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situation in which a design has several macro-cells. While it may be
possible to route a signal over such blocks, it is impossible to buffer
such signals. Thus, a router which is oblivious of this issue will likely
fail to route through regions where buffering is possible. Simultaneous
routing and buffer insertion is therefore proposed. Three formulations
all building on the basic timing-driven maze routing algorithms are
presented.

e The first objective is to simply find a buffered path which min-
imized delay. This can be solved through a simple modification
of the TDMR algorithm.

e The second objective incorporates cost by minimizing a linear
combination of delay and cost instead of simply delay. This tech-
nique supports a Lagrange Multiplier based approach to global
optimization (for which the router serves as a subroutine). This
formulation is also addressed through a simple modification of
the basic TDMR algorithm.

e The third objective is a constrained optimization problem: mini-
mize cost subject to a delay constraint (or alternatively, minimize
delay subject to a cost bound). This objective requires a more
serious overhaul of the basic TDMR algorithm and the support
of additional data structures.

Dijkstra-Based Buffered Routing: Two recent papers ([15], [13]) sug-
gest approaches to finding buffered routing paths which leverage Di-
jkstra’s shortest paths algorithm rather then dynamic programming.
These techniques are, in general, not able to easily take into consider-
ation all of the details that the dynamic programming algorithms can
(e.g., varying wire sizing resources from channel to channel) but they
do tend to be very fast. As a result they may find particularly utility
in early planning and/or estimation. In the discussed approaches the
basic idea is to reduce the problem to that of finding paths in a buffer
graph in which edges represent buffer-to-buffer paths. One virtue of
such an approach is that it gives much more freedom in how the buffer
input-to-input delays are estimated. T'wo such approaches will be dis-
cussed: first the problem of finding a min-delay path and second the
problem of finding a tradeoff between delay and cost. The former was
addressed in [15] and included novel strategies for pre-computing min-
delay wire sizing configurations for buffer-to-buffer connections. The
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latter is studied first as a ratio minimization problem where the ob-
jective is to minimize %w(;;;i@ where D, is a reference delay, d(p)
is the actual path delay and w(p) is the actual path cost. Thus we
have the Delay Reduction to Cost Ratio (DRCR) problem. This prob-
lem can also be solved quite efficiently through the use of Dijkstra’s
algorithm. In addition, the solutions found through this somewhat
peculiar objective are further characterized with respect to the intrin-
sic set of non-dominated (in terms of delay and cost) paths of the
problem instance. In particular, it is shown that by varying the Diof
parameter, any solution on the Lower Conwvex Hull of the set of non-
dominated paths can be found. More generally, this notion applies
to any weighted sum objective (as in the Lagrange multiplier based
buffered maze routing formulation).

The chapter concludes with a discussion of the methods proposed and
how they may fit into a global flow. Open questions in the area are also
discussed.

2 Background and Notation

Before presenting detailed algorithms we first give necessary background on
delay estimation and notational conventions.

Throughout this chapter we adopt the ubiquitous Elmore delay [6] and
simple linear buffer delay estimator. In a graph model of the routing target
an edge e from vertex u to v represents a candidate wiring segment. Under
Elmore, the propagation delay along the wire is approximated by

7',3(-6-2E + Cy)

where c. and 7, are the capacitance and resistance of the wire respectively
and Cy is the total downstream capacitive load at vertex v (i.e., the total
capacitance of the DC connected interconnect from v downstream).

With respect to buffer and driver delay the algorithms are also presented
with a simple linear model in which the delay of a component b is estimated
by

dy+r1-CpL

where dj, is known as the intrinsic delay, r, gives the buffer output resistance
and C, is the capacitive load on the buffer output.
A few points of discussion are in order.
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e Note that the delay wire segments and buffers are context-dependent
since it depends on the downstream capacitive load. This issue is
essentially what makes the problem challenging.

e It is known that the Elmore delay gives an upper-bound on the actual
50% delay for RC trees [9]. To help center the error distribution, a scal-
ing coefficient of In2 is typically used. However, in the 2-pin problems
discussed in this chapter the solutions produced are independent of
any scaling factor and thus is not included in our presentation. Nev-
ertheless, when Elmore is used for delay estimation in static timing
analysis, the scaling factor is essential (as an aside, when optimizing
multi-terminal nets where sinks have timing requirements, the scaling
coefficient will in fact influence actual solutions [3]).

e Even with appropriate scaling coefficients, it is well known that the
error of Elmore (vs. simulated delay) can be substantial in modern
technologies. There are several sources of this error including Elmore’s
inability to consider resistive shielding and its obliviousness to such
effects as signal ramp time. The linear buffer delay models exhibit
similar deficiencies. Thus, it is plausible that improved solution qual-
ity may be possible by incorporating more accurate delay estimators
into optimization algorithms. This issue is further complicated by
the increased influence of wire-to-wire coupling capacitance in modern
technologies. This general area is a topic of ongoing research. Relevant
work in the area includes, [19], [18] and [11]. While such issues are be-
yond the scope of this chapter, the algorithms presented appear to be
quite adaptable in that, provided a delay estimator can be computed
incrementally from the sink to the source (perhaps with an estimate
of upstream effects such as signal slew), simple generalizations can be
used for the new model.

3 Basic Timing-Driven Maze Routing

The first problem we study is unbuffered maze routing. In a target routing
graph we may have a variety of degrees of freedom which will produce paths
of varying delay and cost (e.g., total wire area or total interconnect capaci-
tance). These include varying interconnect parasitics from one layer to the
next (e.g., a popular design style is to use upper layers for “fat”, low resis-
tance wires), the effects of via resistance and the possibility of wire sizing.
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Such choices are encoded in a multi-graph model of the routing target - i.e.,
multiple edges between vertices are allowed to capture sizing options.

An important concept throught this chapter is that of non-dominated
paths. Since a path p : s ~ t is characterized by both its delay d and
its cost ¢ (e.g., total capacitance), there is no total order on the set of all
source-to-sink paths. Consider a path p : s ~ ¢ with cost ¢ and delay
d. We say that p dominates another path p’ with cost ¢’ and delay d’ if
(c<cdand d<d)or(c<c and d<d). Notationally we represent such
dominance as (c,d) < (¢, d’).

A path p : s ~ t characterized as (c,d) is non-dominated if for all
other paths p’ : s ~ t characterized by (c,d'), (¢,d') £ (c,d). In other
words, no other path is better than p in both dimensions. The entire set of
non-dominated paths for a particular graph then becomes interesting. This
notion of non-dominated paths can also be applied to sub-paths u ~» t.

For notational convenience we use the dominance relation in the context
of sets of paths (or, more precisely, (c,d) pairs characterizing paths). Let P
be a set of (¢, d)-pairs then we have the following.

P < (d,d") + 3(c,d) € P such that (c,d) < (c,d)

The basic timing-driven maze routing problem can then be formalized
as follows. We are given a routing target as a multi-graph G = (V, E) in
which each edge e € E is annotated with resistance r. and capacitance c,,!
a source vertex s with output resistance r; and intrinsic delay d; and a
destination vertex ¢ with input capacitance ¢; and an optional maximum
tolerable delay dgpec. Our task may then be any of the following (when
discussing the delay of a path the delay of the driver is always included).

(1) Find a minimum delay path s ~» ¢.

(2) Find a path s ~» ¢ which minimizes total wire capacitance subject to
a delay constraint.

(3) Find the entire set of non-dominated paths (with respect to path delay
and capacitance) from s to ¢.

! As an aside, ¢, may be heuristically modulated to approximate the effects of coupling
capacitance on a particular edge e. However, since such capacitance is not to ground,
such techniques are clearly heuristic. Nevertheless, they may in practice improve solution
quality.
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Clearly a solution to (3) solves both (1) and (2). Further it appears that (1)
and (2) are not fundamentally simpler since their currently-known solutions
are based on solutions to (3). It is such an algorithm we present.

In this formulation we have a somewhat restrictive cost model since it
only considers total capacitance. The computational reason for this shall
become clear when examining the details of the algorithm: it turns out that
capacitance will serve’ a dual role in incrementally computing delay and
accumulating cost. On the other hand, this cost measure is quite appropri-
ate in many situations since total capacitance is tightly bound with power
consumption in CMOS technologies.

An interesting initial observation is that an algorithm which searches
based only on incrementally calculated delay will not in general work cor-
rectly. The problem is that the timing-driven maze routing problem does
not obey the subpath optimality criteria necessary for such an approach to
succeed. Suppose we consider a min-delay s-to-t path p and some interme-
diate vertex v along the path. It is not necessarily the case that the path
from v to ¢ achieves the minimum delay among all such paths. The reason
is that such a path suffix influences the delay of the path prefix up to v by
way of the capacitance it presents upstream. As a result, sub-paths need
to be characterized by both their delay and the capacitance they present
upstream.

The algorithm TDMR for the problem is given in Figure. 1 and follows
the presentation in [12]. The main ideas are as follows.

e Paths are incrementally expanded from the sink t. This expansion
proceeds in lexicographic order of ¢ and d through the maintenance of
a priority queue Q. As a result of this strategy (and the monotonic-
ity of total capacitance), suffix paths u ~» ¢ are examined in strictly
non-decreasing order of capacitance c; by the lexicographic ordering
between two paths with identical ¢, the one with smaller d will be
examined first.

e At each vertex u in the graph we maintain a set P(u), of non-dominated
paths u ~+ t. These paths are sorted in increasing order of ¢ (and de-
creasing order of d).

e The subroutine Candidates() takes a non-dominated subpath (¢, d) €
P(u) and “augments” the solution by edges adjacent to vertex wu.
These new candidates are returned to the main routine which places
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Subroutine: Candidates(u, (c,d))
cl L+«

c2  for each edge (u,v) incident to u
c3 if (v =)

c4 L+ LU{s,(c+ced+re(§+c)+rs(ce+c)+ds)}
cH else

c6 L+ LU{v,(c+ce,d+re(% +0))}

c7 endif

c8  endfor
c¢9 return L ordered lexicographically (first by c)

Algorithm: TDMR

al  P(t) ¢ {(c,0)}

a2  Pu)« 0 Vu#t

a3 @ « Candidates(t, (ct,0))
a4  while(Q # 0)

ab (u, (c,d)) «+ Dequeue(Q)

a6 if (P(u) 4 (¢, d))

a7 P(u) < P(u) U{(c,d)}

a8 L « Candidates(u, (c, d))
a9 for (v, (c,d")) € L

al0 if (P(v) £ (¢, d"))

all Enqueue(Q, (v, (¢, d')))
al2 endfor

al3 endif

al4 endwhile
ald5 return P(s)

Figure 1: Basic Timing-Driven Maze Routing Algorithm. Output is the set
of all non-dominated s-to-t paths. Path labels are propagated from the sink
t toward the source s.
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them in the priority queue if they are not already dominated by pre-
vious solutions (line al0).

e Ultimately P(s) contains all of the non-dominated s-to-t paths as (c, d)
pairs. Note that when a path is uncovered which reaches s, the driver
delay is incorporated in line c4.

e Note that since members of P(u) are uncovered in increasing order of ¢
and decreasing order of d, the algorithm can be modified to stop early
once a delay spec is met or a capacitance upper bound is exceeded.

e Because of the monotonicity of ¢, P(s) is built up starting from the
lowest-c solution and progressing to the min-d solution. A restructur-
ing of the algorithm would expand solutions first by d and secondarily
by ¢. Because of the monotonicity of d, the correctness will still hold,
but the min-delay solution will be uncovered first.

Using a standard binary heap for a priority queue, almost the entire
pseudo-code can be easily translated to an implementation. However, the
testing of dominance in lines a6 and al0 of the algorithm warrants some
discussion. For notational purposes, let us focus on the test in line a6 where
we wish to determine if P(u) £ (c¢,d). Let P(u) =< (a1,d1), ..., (ck, di) >
arranged in increasing order of ¢;. By virtue of the fact that paths are
uncovered in non-decreasing order of capacitance, we know that ¢; < c.
Thus the test P(u) 4 (c,d) is equivalent to testing if V(c;, d;) € P(u),d; < d.
Since dj is the smallest among the d;’s, this test can be done in constant
time. In practice it is a simple matter of comparing with the tail element of
a linked list.

The correctness of the algorithm given by the following.

Theorem 3.1 At the termination of algorithm TDMR, (c,d) € P(u) if and
only if there exists a non-dominated path u~» t with capacitance c and delay

d.

Proof. Let P'(u) be the (true) set of non-dominated paths u ~» t. We first
show that (c,d) € P'(u) = (c,d) € P(u). Suppose this is not the case. Let
(¢,d) be a lexicographically minimal element over all u where (c,d) € P'(u)
but (c,d) € P(u). First we observe that (c,d) cannot be (ct,0) € P'(t) since
it is added to P(t) as a basis step. Thus, the path must contain at least
one edge; let v be the next vertex after u on the path. Let this subpath
v ~ t be (c/,d'). Since (¢,d') € P'(v) is lexicographically less than (c,d)
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we know that (¢/,d') € P(u). This implies that at some point (v, (¢,d’))
was dequeued at line a5 and that after expansion (u,(c,d)) was enqueued
at line all (since it is a non-dominated solution). Further, (u, (c,d)) will
eventually be dequeued and placed into P(u) yielding a contradiction.

We now know that P'(u) C P(u) and must show that P(u) C P'(u).
Since P’'(u) is the set of all non-dominated paths (u, (¢, d)), it is sufficient
to show that ‘P(u) is mimimal — i.e., that for any (c,d),(c’,d) € P(u),
(c,d) £ (c',d') and (¢,d') £ (¢,d). This fact follows from the lexicograph-
ically non-decreasing order in which elements are added to P(u) and the
dominance test of line a6. m]

The algorithm is pseudo-polynomial in that the run time depends on
the numerical parameters of the problem (in particular edge capacitance) as
well as the problem size (V| and |E|). We give a run-time analysis based
on the following assumptions.

e The capacitive values c, are given as integers. This presumes that
some degree of discretization may be performed. Note however, that
the correctness of the algorithm remains if no such assumption is made.

e The node degree in the target routing graph is bounded by a con-
stant. This assumption matches VLSI applications in which there are
typically two edges on the same layer and candidate vias to adjacent
layers. In the event wire-sizing is possible, we presume there are only
a handful of choices which appears to be the prevailing assumption in
practice.

To capture the effect of the capacitive values on run-time, let U =
Y- eck Ce- This allows the following observations.

e |P(u)] < U. The bound follows since U gives an upper bound on the
number of distinct ¢’s and there are no duplicate ¢’s in P(u).

e |Q| = O(U -|V]|). This results from the constant node degree. When a
solution is dequeued, it can only introduce a constant number of ad-
ditional solutions into the queue. Since only non-dominated solutions
induce additional solutions a vertex u can induce at most O(|P(u)|)
queue entries. Combining with the previous observation gives the
bound.

The overall runtime is then given by the following theorem.
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Theorem 3.2 The running time of algorithm TDMR is O(U - |V|log(U -
V).

Proof. The total number of enqueue/dequeue operations is O(U - |V|); fur-
ther there are O(U - |V|) dominance tests each of which takes O(1) time.
Using a simple binary heap data structure, gives an O(log(U - |V|)) bound
for individual enqueue/dequeue operations. This gives the overall bound of

O(U - |V|log(U - |V}). O

As is often the case with pseudo-polynomial bounds, this expression may
be quite pessimistic in practice. For instance it is extremely unlikely that
| P(u)| will approach |U| in practice.

Speedup Techniques

A speedup enhancement of the basic TDMR algorithm was given in [12].
The technique can be seen as an application of the A* method [10]. A*
based approaches attempt to make path searching more goal-directed by
biasing the expansion of vertices toward those which are, by some measure,
in the direction of the destination vertex (in our case, the source vertex).
The measure which is used to bias the search is typically called a heuristic
cost. The heuristic cost usually gives a lower bound on the length of the
“tail” of a path (where we already have a prefix). Instead of expanding paths
in order of the prefix cost, A* expands paths in order of the prefix cost plus
the lower-bound cost. Thus path prefixes which are estimated to lead to
short overall paths are expanded first and the expansion of less promising
paths is suppressed.

To get an idea of the potential of an A* type approach in TDMR, consider
the case in which we have significant freedom in wire sizing. It is known that
ideally wire widths grow narrower toward the sink since fat wires near the
sink produce excessive load on the long upstream interconnect. However, a
candidate subsolution (c,d) € P(u) for some u near the sink ¢ may indeed
use wide wires and still be non-dominated. This is a result of the algorithm
being local in nature and oblivious of the actual source s. A* attempts to
correct this situation.

To adapt A* to TDMR we introduce the following generic lower-bounding
functions.

Ciin(v): a lower-bound on the total capacitance of any subpath from
s tov.
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dmin(v,c): alower-bound on the path delay of any path s to v where
we have a downstream load of ¢ at v. This includes driver delay.

We then store candidate solutions in the priority queue as (u, (c+cpp;,(v), d+
dmin(v,c))) rather than (u, (c,d)) in the generic algorithm.

Computation of c;);, (v) can be done by a simple pre-process: run Dijk-
stra’s shortest paths algorithm starting at vertex s with edge weights c,.

Computation of dp,;,,(v,¢) is somewhat more involved. In [12], the fol-
lowing strategy was suggested. Let [, be the actual distance between the
endpoints of edge e. We define I i, (v) as

l

min l
paths p:s~w (g 6)

min(v) =
which can also be pre-computed with another pass of Dijkstra’s algorithm.
There has been some recent work (e.g., [8], [2]) which can be leveraged in get-
ting an effective bound d,;;,(v,c). Those papers studied optimal tapering
functions (wire-width as a function of distance from the driver). It was sug-
gested that a simple practical technique for d,,;, (v, c) was to pre-compute
a technology specific table which, given wire-length, driver resistance and
downstream capacitance would give the minimum possible delay when ar-
bitrary tapering was allowed. This then clearly becomes a lower-bound on
the delay we can achieve in the routing target. Further, it is likely to be
reasonably tight.

The overall speedup achieved by this technique as reported in [12] were
impressive. Speedups of up to 300x were achieved versus the generic TDMR
algorithm.

4 Incorporating Buffer Insertion

While such techniques as wire sizing and layer assignment implicitly utilized
by the TDMR algorithm of the preceding section, the techniques are limited
in the amount of delay reduction possible and may not be the most cost-
effective means of delay reduction. An interesting reference in this area is
(1] in which Alpert experimentally studied the issue.

On the other hand, buffer insertion does generally produce very cost-
effective delay reduction. The effectiveness of buffer insertion is due to the
capacitive decoupling effect of buffers. The result is that the delay of long
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(a) (b)

Figure 2: Buffered routing in the context of a floorplan. Dark boxes
completely disallow buffering and routing; shaded regions may be routed
through, but buffering is disallowed. Scenario (a) shows a post-route buffer
insertion strategy while (b) is a simultaneous approach. A small increase in
wire-length enables much more flexibility in buffering options.

lines is “linearized” by segmentation.?

Thus, it can reasonably be argued that it makes sense to integrate buffer
insertion with timing driven routing. While it is possible to perform buffer
insertion as a two-phase process in which a route is first determined and
then buffers are inserted along the path, this approach is clearly suboptimal
as pointed out by Zhou et. al. in [20]. This suboptimality results from the
fact that buffers in general cannot simply be inserted anywhere and thus
the signal path affects where along the path buffers can be inserted. As
an example from [20], consider the situation in which we have pre-placed
macro-cells. It may be possible to route over such cells, but unlikely that
we can insert buffers in such regions. As a result, we may prefer to take a
route which does not cross the macro-cell or even detours a bit to enable
the insertion of a buffer. This situation is illustrated in Figure 2.

This section examines three formulations of the buffered routing prob-
lem. The first two formulations can be solved by a straightforward general-
ization of the basic TDMR algorithm. The simplest formulation is simply

2Buffers are also essential in decoupling off-path capacitance in multi-pin nets, but this
topic is beyond the scope of this chapter.
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targeted at finding the minimum delay path irrespective of cost (number of
buffers, wiring capacitance, etc.). The second formulation also produces just
a single path, but the path minimizes a composite objective including both
delay and cost with appropriate scaling coefficients. The third formulation
is a constrained delay minimization problem which requires more serious
re-tooling of the basic algorithm.

Suppose we are given a buffer library B where each buffer b € B has the
following properties.

cp: input capacitance.
rp: output resistance.
dp: intrinsic delay.
wp: nominal cost.

In many full-chip optimization flows, the actual location at which a buffer is
inserted may influence the cost. For instance inserting a buffer in a region
where buffering resources (white space) are scarce might be considered to
cost more than inserting the same buffer in another region with more white
space. Further, it often makes sense to have flexibility in how costs are
assigned to routing edges for similar reasons (e.g., routing congestion).? To
address this situation we introduce the following annotations of the target
routing graph.

we: cost of routing edge e € E.

wy: scaling coefficient applied to the insertion of a buffer at vertex v € V.
The cost of placing buffer b € B at vertex v is then said to be w, - wy.

We also note the generality of this formulation in that in the event that
inserting a buffer at some vertex v is simply not possible, we can effectively
set w, = oo (in practice, this can be handled with a flag and buffered options
simply not considered.)

4.1 Weighted Sum Minimization

Given the parameterization of the preceding section, we can then say that,
for the second problem formulation, the objective is to minimize a weighted

3This is a weakness of the basic TDMR algorithm in that it only considers cost to be
total capacitance.
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sum of cost and delay: A;(w(p))+A2(d(p)). A solution to this problem gives
us a solution to the problem of finding a min-delay buffered path simply by
setting A; to 0.

Figure 3 gives pseudo-code solving the weighted-sum buffered maze rout-
ing problem. This presentation builds on that of [3] and benefited from input
from J. Fishburn [7]. A few points deserve discussion.

e Instead of using (c,d) pairs as the “signature” for a candidate sub-
path, we use (w, ¢) pairs where w is a cumulative weighted sum of cost
and delay and c is the “visible” capacitance - i.e., the capacitance up
to the next device input.

¢ Any cost-delay tradeoffs among paths must be captured in the w-value.
In contrast, the basic TDMR algorithm used c for dual purposes: delay
calculation and accumulation of cost. In this case, it is simply carried
along for dominance testing and delay calculation.

e Capacitance c is no longer a monotone function as we travel from sink
to source. This is a direct result of the decoupling effect of buffer
insertion — once a buffer is inserted we can no longer “see” its down-
stream load. This has a serious implication: if solutions are expanded
in order of ¢, they are not necessarily expanded in non-decreasing or-
der as in the basic algorithm. For this reason, we expand solutions in
order of w which is monotonically non-decreasing as we travel from the
sink to the source. This preserves the monotone wavefront property
so important in many path searching algorithms.

e Since solutions are uncovered in non-decreasing order of w, the first
dequeued solution which includes the source s is the optimal path and
thus the algorithm can terminate as in line a6. Further, the dominance
tests remain a simple matter of comparing with the tail entry of a
linked list.

The correctness of the algorithm follows from a similar argument as given
in Theorem 3.1. However, strictly speaking, we cannot guarantee that the
path discovered is simple. This was an observation made by Fishburn [7]
and is discussed in the next subsection.

The run time is slightly more difficult to pin down. The size of the
candidate sets P(u) is limited by the distinct number of weighted sum val-
ues of interest. Supposing that these weighted sum values are integers, let
wept be the cost of the solution returned by the algorithm. We can then
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Subroutine: Candidates(u, (w, c))

cl L+

c2 for-each edge (u,v) incident to u
c3 d —re(% +0)}

cd w’é*w+A1-we+A2-d’

ch if (v = s)

cb L+ LU {s,(c+ ce,w + Ag(rs(ce +c)ds)}

c7 else

c8 L+ LU{v,(c+ce,w+w'))}

c9 forbe B

cl0 L+ LU {v,(cp,w' + Aywpwy + Az(dp + ric)))}
cll endif

cl2 endfor

c13 return L ordered lexicographically (first by w — not by c¢)

Algorithm: TDMR-Buff-Weight

al  P(t) « {(c,0)}

a2 Pu)«0 Yu#t

a3 @ + Candidates(t, (¢;,0)) // Q ordered first by w
a4  while(Q # 0)

ab (u, (w, c)) + Dequeue(Q)
ab if u = s return w

a7 if (P(u) £ (w,c))

a8 P(u) + P(u) U {(w,c)}
a9 L + Candidates(u, (w, ¢))
al0 for (v, (w',c)) € L

all if (P(v) £ (w',c))

al2 Enqueue(@, (v, (v, ¢'))
al3 endfor

al4 endif

al5 endwhile

Figure 3: Buffered Timing-Driven Maze Routing Algorithm for a weighted-
sum formulation. At termination, the first element added to P(s) encodes
the optimal path. Path labels are propagated from the sink ¢ toward the
source s. Note that the priority queue @) is ordered by w first, not c.
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O Buffer Insertion OK
@ Buffer Insertion Illegal

Figure 4: Anomalous behavior of buffer insertion. Nothing prevents the
path from intersecting itself.

upper bound |P(u)| by wep: since the weighted sums are non-negative and
all other entries in sets P(u) are no larger than wep;. By noticing that the
number of enqueue operations is O(|B|) under the constant degree assump-
tion, we can then conclude that @ = O(|B||V|wep:). Thus, the enqueue
operations will dominate the overall run time and we have an overall bound
of O(|B||V |wopt log((| B||V [wapt)))-

Once again however, this run-time should be taken with a grain of salt
since it is a rather crude upper-bound. We note also that in practice, it is
even likely that the buffered algorithm will be faster than the unbuffered
algorithm since the ability to insert buffers will enable the pruning of many
high-capacitance suffix paths which are not in general eliminated without
buffer insertion and are not considered in the run time analysis.

Discussion

An interesting property of this formulation as observed in [3] and inde-
pendently by Fishburn [7] is that a source-to-sink (top-down) algorithm is
equally viable. The sole role of ¢ in the presented algorithm is to enable cor-
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rect delay calculation. In a top-down approach we would accumulate path
resistance (from the driving buffer) to serve this role. Note that, as in the
case of capacitance, resistance is not monotone since inserting a buffer “cuts
off” the preceding resistance. It is not currently clear whether a top-down
approach would behave significantly different in terms of run-time compared
with the bottom-up approach. However, note that the availability of both
top-down and bottom-up methods makes possible a bi-directional search
mechanism in which propagation of paths from the source is interleaved
with propagation from the sink. Such a scheme seems likely to produce
significant speedup (particularly when one considers that the number of la-
bels at a vertex tends to grow with the distance of that vertex from the
propagation source) and would make an for an interesting implementation
study.

Perhaps a more significant curiosity was also observed by Fishburn [7].
Since capacitance in the presented algorithm (and resistance in the top-
down approach) is non-monotone (due to the decoupling effect of buffers),
it is possible that an anomily may occur in which a path inappropriately
re-uses a vertex - i.e., that the paths are not simple. This phenomenon is
illustrated in Figure 4. We leave it as an open question whether this problem
can be addressed efficiently in a theoretically robust way. It is difficult to say
how serious this problem is in practice. If on the one hand, the algorithm is
being used for timing-driven global routing of timing critical nets (perhaps
with layer assignment) it is likely that vertices in the graph correspond
to global routing tiles rather than electrically connected nodes and thus a
detailed router will resolve the issue. If on the other hand detailed routing
and buffer insertion are being performed simultaneously, the problem may
be of more concern.

4.2 Constrained Optimization with Buffers

In the constrained optimization formulation of the problem, we have a given
parameter dspec and our objective is to minimize solution cost (weight)
subject to total path delay being no greater than dspec-

A solution to this problem follows the same basic framework as the
preceding algorithms with the main key difference being that we carry three
parameters instead of two. A path suffix will be characterized by the triple
(w,c,d) where w is the accumulated cost, c is the visible capacitance and d
is the downstream delay.

The framework is essentially the same as before. We expand solutions
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in lexicographically non-decreasing order: first ordered by w, secondarily
by d, thirdly by ¢. In sets P(u) we store non-dominated solutions where
dominance is determined by all three dimensions: a path (w,d,c) from u
to t is non-dominated if no other path is better in all three dimensions.
Pseudo-code appears in Figure 5. A key difference however is that the third
parameter makes testing of dominance in lines a6 and al0 non-trivial.

To support these tests we need to efficiently determine, given a non-
dominated set P and a candidate solution (w,d, c) whether P £ (w,d, c):

P £ (w,d,c) & V(' d,/)eP, w<w OR d<d OR c<c.
Equivalently an efficient test for P < (w, d, c) will do the job:
P < (w,d,c) & 3(w',d,d)eP, w>w AND d>d AND c>C.

By virtue of the fact that candidate solutions are expanded in non-decreasing
order of w, we observe that the first inequality (w > w') holds for every
member of P. Thus the problem reduces to determining if some member of
P is at least as good as (w,d,c) in the d and ¢ dimensions. The existence
of such a member of P can of course be determined through a linear scan
of P. However, with use of an appropriate data structure the problem can
be solved in O(log(|P|) time.

Such a data structure was given in [17] (for the optimization of static
routing topologies) and is adapted here. We store the members of P in a
binary search tree ordered by d (w is ignored due to the reasoning above).
At each node ¢ of the tree we store the following.

t.d: The associated d-value.
t.c: The associated c-value.

t.c_l_min: The smallest c-value in the left subtree. If a vertex has no left
child, this value is considered to be cc.

We then want to support queries in which we are given a candidate (d, c)
if there is some entry (d', ¢') already in the tree where ¢’ < ¢ and d' < d; if so,
then the candidate i1s sub-optimal and if not, the solution is non-dominated.
The recursive rules for traversing the tree are as follows (in the base case
where the tree is NULL, the solution is clearly non-dominated).
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Subroutine: Candidates(u, (w,d,c))
cl L+

c2  for each edge (u,v) incident to u
c3 d —d+r(% +c)}

cd w < w+ w,e

c5 if (v=y3s)

cb L+ Lu{s,(w,d +ds+rs(c+ce),c+ce)}

c7 else

c8 L+ Lu{v,(w+v,d c+c))}

c9 forbe B

cl0 L« LU {v, (v + wywy,d +dp + rp(c + ce),cp)) }
cll endif

cl2 endfor

cl3 return L ordered lexicographically

Algorithm: TDMR-Buff-Const

al  P(t) « {(0,0,c:)}

a2 Pu)« 0 Yu#t

a3 @ + Candidates(t, (0,0,¢;)) // Q ordered first by w
ad  while(Q # 0)

ab (u, (w,d, c)) + Dequeue(Q)
ab if (P(u) £ (w,d,c))

a7 P(u) + P(u) U {(w,d,c)}
a8 L + Candidates(u, (w,d,c))
a9 for (v, (v',d',c)) € L

al0 if (P(v) £ (w',d',c"))

all Enqueue(Q, (v, (v, d’, ')
al2 endfor

al3 endif

al4 endwhile

Figure 5: Buffered Timing-Driven Maze Routing Algorithm for a con-
strained optimization formulation. At termination, only solutions in P(s)
which are non-dominated with respect to w and d are of interest since ¢ is
merely an artifact of the algorithm.
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case | condition action

(1) | d<tdAND ¢ > t.clmin t « t.left

(2) | d<t.dAND ¢ < t.clmin return “Non-Dominated”
(3) | d>t.d AND ¢ > min(t.c_l_min) return “Dominated”

(4) | d>t.d AND ¢ < min(t.c, t.c_l_min) | t + t.right

In cases 1 and 2, any solution dominating (d, c) must be in the left subtree:
in case 1 we can’t be sure if such a solution exists; in case 2, we know that
c is smaller than all ¢’s in the left subtree and thus, (d,c) must be non-
dominated. In case 3 we know that either the root or some entry in the left
subtree dominates (c,d). In case 4 the root and left subtree cannot eliminate
the candidate, so we explore the right subtree.

An example of this data-structure appears in Figure. 6. Keep in mind
that underlying the (d, ¢) values in the tree are w values and thus the (d, ¢)
values are not in general minimal (non-dominated with respect to them-
selves), but the corresponding (w,d,c) triples are. Consider a query in
which we wish to determine if (26,9) is dominated. We will apply case 3 at
the root since some solution in the left subtree dominates. Suppose instead
the query is (26,8); in this case we traverse the tree all the way to vertex
(27,12) and finally a NULL subtree to conclude that it is non-dominated.
If the query is (24,6), we apply case 2 at the root and declare the solution
non-dominated.

The idea then is that instead of maintaining a simple linked list to store
P(u), we instead use the augmented binary tree. The strategy can be im-
plemented such that queries and insertions are always logarithmic in the
size of the tree by applying a tree balancing scheme such as Red-Black trees
[5] (updating of the augmenting values during the rotation operations is
straightforward and local).

With respect to running time we once again have a pseudo-polynomial
bound. First we would like to bound the size of the P(u) sets. Let Wmax
be the largest total cost seen during the algorithm and Cmax be an upper
bound on any individual load capacitance (both being integers). We can
conclude that [P(u)| = O(WmaxCmax) since for any distinct pair of w and
¢ values, at most one d value is of interest. Again using the constant degree
assumption, we then conclude that |Q| = O(|V||B|WmaxCmax)- Since this
dominates the size of the individual sets P(u), the time for enqueues and
dequeues will dominate operations of the augmented binary trees giving an

overall run time of O(|V||B|WmaxCmax log(|V || B]WmaxCmax))-
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Figure 6: Augmented binary search tree for detecting dominated/non-
dominated candidate solutions. Vertex labels are d, ¢ pairs on top and
the lower number is the min c-value in the left subtree.

4.3 Discussion

In this section we have seen two approaches to buffered maze routing. The
first adopted the objective of minimizing a composite objective function
and thus produced a single path. This approach subsumed the case where
we simply want the min-delay configuration. The second approach solved
a constrained optimization problem or more generally produced an entire
family of non-dominated paths. This tradeoff curve provides “sensitivity”
information which may be useful in a global optimization mechanism. The
price for obtaining this additional information was higher computational im-
plementation complexity. The preferred approach may very well depend on
higher-level issues such as the strategy being adopted for full-chip optimiza-
tion. The next section presents a result which gives a theoretical relation-
ship between such tradeoff curves and solutions found under a composite
weighted sum objective. In particular, we will see that any solution on the
lower convez-hull of the set of all non-dominated paths can be identified by
re-weighting and solving the composite objective.

Either algorithm can be modified to support the use of inverters as
buffers. We need to ensure that any s-to-t path must have an even num-
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ber of inverters. The algorithm modification follows [17]. We maintain at
each vertex v two sets P*(v) which contains paths with an even number of
inverters and P~ (v) which contains paths with an odd number of inverters.

Another important issue is speedup techniques. In the unbuffered maze
routing problem it was suggested that by applying lower-bounds on path
delay and cost, one could use the the A* approach to accelerate the algorithm
significantly. The same concept can certainly be applied in the case of
buffered maze routing. Recent work in closed forms for minimum delay
uniform buffered lines (e.g., [4] can be used toward this end).

5 Dijkstra-Based Buffered Routing

Recently there have been two papers ([15], [13]) which propose techniques
for buffered routing which do not rely on Dynamic Programming as the
preceding presentations. In each of these papers a buffer-planning graph
or buffer-graph is constructed in which vertices represent candidate buffers
locations and the source and sink and edges represent buffer-to-buffer con-
nections. The ideas are summarized as follows.

e We are given a target routing graph with a vertex set V =V, UV}
where buffer insertion is permitted at vertices v € V}, but forbidden
at vertices u € V.

e We are also given a buffer library B.
e We compute shortest path lengths [(u, v) for each pair u,v € V,U{s, t}.

e We then utilize a delay estimator d(l, by, by) which estimates the delay
from the input of a buffer b; € B, through an interconnect of length [
to the input of a buffer by € B.

e For each pair b € B and v € V;, we introduce a vertex in the buffer
graph. To these we add the source vertices s and t.

e The buffer graph is in general dense with directed edges between all
pairs of vertices (in practice some of these edges can be filtered out).
Suppose we have an edge from vertex u to v with buffers b; and by at
u and v respectively. We label this edge with d({(u,v), by, by).

This construction is illustrated in Figure 7. As a result of the construc-
tion, delay is context independent since delays are always from buffer input
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(a)

® (c)

Figure 7: Example buffer graph. In (a) we have the available buffer sta-
tions; (b) and (c) show two candidate paths in the corresponding buffer
graph. Note that some edges may be eliminated in practice (e.g., (s,t) if
the distance exceeds a technology specific threshold. Buffer block A enables
local cascading.

to input. It has the additional virtue that the delay function need not be
based on Elmore delay; any delay estimator may be used. Aiming toward
minimizing path delay Lai and Wong [15] propose a refinement of this ap-
proach in which the delay estimator uses a lookup table to give the minimal
achievable delay if the buffer-to-buffer wire were optimally tapered. An ad-
ditional feature of this construction is that it implicitly allows cascading of
buffers from small buffers to larger at an insertion point.

The net effect of this construction is that finding a minimum delay from
s to ¢ now becomes simply that of finding a minimum weight path in the
buffer graph. The buffers inserted on the path are implicitly determined
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by the vertices on the path. The details of the buffer-to-buffer routes are
then deferred to another routing process or the paths from the all-pairs
shortest-paths computation used to construct the buffer graph.

In [13] essentially this same buffer graph construction was applied. How-
ever it was argued that the minimum delay path is rarely the solution which
makes the most engineering sense. In general, there is a tradeoff between
delay and cost (e.g., total capacitance, area, etc.). It is often the case that if
we can tolerate a small increasing in delay, we can save a great deal in cost
versus the min delay path. This has significant practical implications since
many signal nets may be competing for the same scarce buffering resources.

To capture this tradeoff between delay and cost without resorting to
dynamic programming, [13] proposed the Delay Reduction to Cost Ratio
(DRCR) formulation. In this formulation each edge in the buffer graph is
additionally annotated with a cost w which accounts for the interconnect
cost and the cost of the destination buffer. This cost label may be de-
termined by whatever means desired; for instance if buffering resources in
the region are scarce, the cost may be increased. The DRCR then takes a
reference delay D,.f, and the objective is to find a path p which maximizes

Dref - d(p)
w(p)

where d(p) is the path delay and w(p) is the path cost. The numerator
encourages delay reduction and the numerator encourages lower cost.

This formulation can be solved by a labeling scheme similar to algorithms
for the minimum time-to-profit problem [16]. Suppose we have a conjecture
I of the optimal ratio. We then label each edge in the graph with the weight
Iw(e)+d(e) and find a min-weight path from s to ¢ in the re-weighted graph.
The results of this shortest path computation is interpreted as follows.

o If the weight of the path w(p) is equal to D,.r, we have found the
optimal path and I is the minimum achievable ratio.

e If on the other hand, w(p) < Dy, our conjecture is too small (this
path actually achieves a better ratio) and I must be increased.

o If w(p) > Dyef, our conjecture is too large (no path can achieve this
ratio), and I must be decreased.

The strategy then is to perform binary search on I, performing a shortest
path computation for each value. If D is the delay of the min cost path,
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delay

cost

Figure 8: Lower Convex Hull. Figure shows set of all non-dominated paths.
Solid points are on the LCH; open points are not.

then the number of iterations is bounded by O(log D) giving a strongly
polynomial run time bound. Thus, for a given D,.; we can efficiently solve
the DRCR problem.

In [13], an effort was then made to characterize the solutions to the
DRCR problem. The given buffer graph has an intrinsic set of non-dominated
paths which can be revealed through a pseudo-polynomial algorithm for the
shortest weight-constrained path problem (such an algorithm is quite similar
to the TDMR algorithm; see [14]). Such a set of solutions appears in Figure
8. The Lower Conver Hull (LCH) of this set is the set of solid points. The
following theorem from [13] reveals the relation between solutions found by
the DRCR algorithm and LCH of the non-dominated paths.

Theorem 5.1 A path (w,d) is on the LCH of non-dominated paths if and
only if 3D,¢s for which (w,d) mazimizes the DRCR.

This would appear to be a nice property since the solutions which make
the most cost-effective use of the available resources versus solutions off the
LCH. Further, it was noted in [13] that, a coefficient I maximizes DRCR
for some D,.; and thus, the LCH can be probed directly by varying I.
Further, the theorem shows the same relationship between the two al-
gorithms for buffered maze routing presented in section 4. In particular, by
varying the coefficients in the weighted sum formulation (which used pairs),
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we can probe the LCH of the tradeoff curve produced by the constrained
optimization algorithm (which used triples).

6 Conclusion

This chapter has focused on the joining of routing and delay optimization
for two pin nets. A variety of formulations were studied: basic timing-driven
maze routing, variants with buffer insertion and a class of faster buffering
algorithms appropriate for earlier design stages.

The techniques surveyed would seem to provide an efficient and flexible
set of tools for full-chip optimization. Nevertheless, more research is required
to fully understand timing closure and resource allocation issues there. The
techniques may also be effective tools in designing effective timing driven
heuristics for routing multi-pin nets.
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Inductance(H)

Operating Frequency (Hz) Wire order number

(a) (b)

Figure 1: (a)Characteristics of resistance and reactance due to inductance;
(b) Characteristics of self inductance and mutual inductance.

1 Introduction

Given the growing importance of interconnects in performance, reliability,
cost, and power dissipation for high-performance circuits and systems, in-
terconnect modeling and optimization has been an active research area [1].
However, most existing work on interconnect modeling and optimization as-
sumes an RC interconnect model, which becomes increasingly inadequate as
the on-chip inductive effect gains prominence in gigahertz designs. A simple
rule of thumb is that the inductance should be considered if resistance R
and reactance wL have similar values, where L is inductance and w = 2r f
with f being the operating frequency. In Figure 1(a), we compare R and
wL under different operating frequencies. We used the three-dimensional
electromagnetic field solver FastHenry [2] to compute R and wL for a typ-
ical global interconnect, which is 0.8um wide, 2um tall, and 2000um long.
One may easily see that wL starts to outweigh the resistance at the oper-
ating frequency of approximate one gigahertz. As the operating frequency
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is larger than the clock frequency due to the harmonic effect,! on-chip in-
ductance should be considered in the layout design for circuits of gigahertz
clock frequencies.

Furthermore, we compare the self inductance and mutual inductance in
Figure 1(b). We designed an eighteen-bit signal bus sandwiched between
two coplanar power/ground nets, where all wires are 0.8um wide, 2um tall,
2000pm long, and are separated by 0.8um. We computed the loop induc-
tance for these wires using FastHenry. In Figure 1(b), the leftmost data-
point stands for the self inductance of the leftmost signal net, and the rest of
the data-points are mutual inductance between the leftmost signal net and
the remainder of the signal nets. Clearly, the inductance has a “long-range”
effect in the sense that the mutual inductance between non-adjacent nets
cannot be ignored when compared to the self inductance. Note that the ca-
pacitance is a “short-range” effect in the sense that the mutual capacitance
between non-adjacent nets is negligible, so that interconnect modeling and
design under the RC model needs to consider only the net under study and
its two adjacent nets, or in most cases, to consider just the net under study
by assuming the worst-case mutual capacitance to the adjacent nets. This
single-net based approach no longer works for the RLC model due to the
long-range inductive effect. Hence, interconnect modeling and design under
the RLC model should consider multiple coupled nets simultaneously, and
is inherently more difficult compared to interconnect modeling and design
under the RC model.

The remainder of this chapter is organized as follows: In Section 2, we
present an efficient approach to compute inductance from the interconnect
geometry, and use the resulting inductance model and SPICE simulation to
evaluate the impact of layout optimization techniques such as wire sizing
and spacing, buffer insertion and shield insertion. In Section 3, we describe
the formulation and algorithm for the simultaneous shield insertion and net
ordering problem. Discussions about recent progress are included in each
section.

IThe operating frequency is decided by the signal rise time t.. The knee frequency
can be defined as Finee = 0.5/t; and be used as the operating frequency to compare wlL
and R, as “the behavior of a circuit at (operating) frequencies above Fynee hardly affects
digital performance” [3]. Similar conclusion was drawn in [4] using the concept “significant
frequency”. More sophisticated rules to judge the significance of inductance can be found
in [5, 6, 7).
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2 Inductance Extraction

Inductance extraction computes inductance from complex 3-dimensional
(3D) interconnect structures. It is considered as a very difficult problem,
because the inductance in essence is defined for the current loop but the
current return path is not well defined for on-chip interconnects. The key
idea to solve the problem is the partial element equivalent circuit (PEEC)
model. It is developed in [8] and was introduced to the circuit design field
in [9, 10]. The inductance in the PEEC model, in short, the partial induc-
tance for a wire segment is defined as the portion of the loop inductance for
the wire segment, assuming the wire segment forms a loop with the infin-
ity. Numerical field solvers have been developed based on the PEEC model
(10, 2, 11].

However, extraction of parasitic parameters (resistance, capacitance and
inductance) via numerical field solvers is hard to support during iterative
procedures of simulation and optimization for on-chip interconnects. Ac-
curate and efficient extractions of resistance and capacitance without using
numerical methods have been achieved recently. Examples include the 2
1/2-D capacitance extraction methodology [12], and the statistically-based
worst-case RC model [13]. Both are table-based approaches, and are suitable
for iterative simulation and optimization purposes. In the following, we will
first present two foundations concerning the inductance extraction. These
two foundations are based on the PEEC model, and will lead to an accurate
and efficient table-based inductance extraction methodology. We then ap-
ply the table-based inductance model to compute the loop inductance for a
coplanar waveguide to show the link between the loop inductance and par-
tial inductance model, and apply the inductance model to study the impact
of layout optimization.

2.1 Foundations for Inductance Extraction

There are multiple metal layers in a VLSI technology. We assume that wire
traces on adjacent layers are orthogonal, and extract the inductance for a
block, which contains n parallel traces (T, T5,..., T,,) of same length on
the same layer (see Figure 2). In addition, we also assume that the two
most outside traces, T} and 7T}, are dedicated power/ground traces. When
the block size is three, it is a coplanar-waveguide, which is one of the three
basic forms for transmission line, and is often used for clock tree in high-
speed designs. When the block size is large, it models the bus structure
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with outside power/ground traces that can be used for shielding only or for
shielding and power supply at the same time. Because traces are orthogonal
on adjacent layers, traces on layer N + 1 and layer N — 1 will not affect the
inductance of traces on the current layer N [4].

Tn-1 Tn

Figure 2: The cross-section view for a block of n traces, where T} and T, are
dedicated power/ground traces. The widths for the traces are Wy, W, ...,
and W, respectively. The spacings between them are Sy, S3, ... and S, _1,
respectively.

Note that the capacitive effect is a “short-range” effect in the sense that
for a block, only the mutual capacitance between adjacent traces are im-
portant, and the rest of the mutual capacitance can be ignored. Therefore,
for any trace, it is sufficient to solve the trace and its two adjacent traces
via numerical extraction. In other words, we are able to reduce the n-trace
capacitance problem to a number of 3-trace subproblems [12]. The induc-
tive effect, however, is a “long-range” effect. For example, in Figure 3,
we compute the inductance for a block with size n=>5 by assuming that the
wire thickness is 2.0um, wire width W1=4um, W2=W3=W4=0.8um, W=
2um, all spacings are 0.8um, and the length is 4000um. We specify that T;
and T are power/ground traces that serve as current return paths, and run
a 3D inductance tool RI3 in Raphael [11] to compute loop inductance. The
result is the loop inductance in a 3x3 matrix, where current is assumed to
return via the two power/ground traces Ty and T5. In the matrix, diagonal
elements are self inductance, and off-diagonal elements are mutual induc-
tance. The mutual inductance between T5 and T4 can not be ignored even
though there is T5 between them.

In general, there is a significant mutual inductance between any traces
within a block (e.g., even for a block of size n=32). Due to this “long-range”
effect, even though we assume that all signal traces have identical widths,
and the spacings are identical, the brute-force way to build inductance tables
will have large table sizes. The table for self inductance has six dimensions:
two widths for power/ground traces, one width for signal traces, the trace
location, and uniform spacing and length. Note that the trace length is
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T2 T3 T4
T2 1.73 1.15 0.53
T3 1156 1.94 1.24
T1 T2 T3 T4 15 T4 053 124 1.92

Figure 3: Loop inductance (nH) by specifying that 77 and T5 are current
return paths.

needed because the inductance is not a linear function of trace length. At
the same time, the table for mutual inductance needs locations for two
traces, which leads to seven-dimension tables. We may not afford to consider
different widths and spacings for different traces.

Furthermore, the loop inductance in Figure 3 assumes that all current
returns via the two power/ground traces, which may not be true for high
frequency. For example, when only one trace is switching, its current may
return from adjacent quiet traces. The right way to extract inductance for
a block is to run RI3 [11] without specifying any power/ground traces as
current return paths. Then, for the block in Figure 3, we obtain the partial
inductance in a 5x5 matrix (see Figure 4(a)). Again, the diagonal elements
are self inductance, and off-diagonal elements are mutual inductance. An
important observation is that now the self inductance of a trace depends only
on the trace itself, and the mutual inductance of two traces depends only
on the two traces themselves. For example, in Figure 4(b), we compute the
self inductance Lq; for Ti with other traces removed, and obtain the same
Ly, as in Figure 4(a). In Figure 4(c), we compute the mutual inductance
Lys for Ty and Ts with Ty, T5 and T4 removed, and obtain the same L;5 as
in Figure 4(a).

When we do not specify which traces are power/ground traces, we com-
pute partial inductance (denoted as L,) under the PEEC model. In general,
we have the following foundations:

Foundation 2.1 Self L, of a trace is solely decided by the trace (its length,
width and thickness).

Foundation 2.2 Mutual L, of two traces is solely decided by the two traces
(their lengths, widths and thicknesses, and the spacing between them).
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TT T2 T3 T4 T5
(@) D D D T1 6.17 5.43 512 4.89 4.66
T2 553 6.79 6.10 5.48 5.04

T T2 T3 T4 T5 T3 5.12 6.10 6.79 6.10 5.33
T4 4.89 548 6.10 6.79 5.77
T5 4.66 5.04 533 5.77 6.50

(b) T
E:l T 6.17

T1
T1 715
(c) T1 6.17 4.66
T5 4.66 6.50

T1 T5

Figure 4: Partial inductance (nH) without specifying any current return
path: (a) a block of size n = 5, (b) only trace T} (with other traces removed),
and (c) only two traces Ty and T5 (with traces To-T4 removed).

2.2 Validation of Foundations

In order to validate the two foundations, the following illustrates the in-
ductance extraction procedure under the PEEC model. The PEEC model
was introduced in [9, 10], and has been widely used in numerical inductance
extraction tools (for example, [11, 2]). Because the inductance is defined
only for closed loops, the partial inductance of a trace can be viewed as the
inductance of the trace as it forms a loop with infinity. If the current density
is uniform in traces Ty and Ty, according to [10], the mutual inductance
Ly,,. under the PEEC model is:

B _'l_l'_ 1 /ck/ /Cm/ dlkdlmd d
kam B 47ralkam by Jag Jbm Jam T'km i fim (1)

where a; and a,, are cross-sectional areas, by and b, are starting points, ci
and ¢, are ending points, all for traces Ty and Ty, respectively. In addi-
tion, Tk, is the distance between dl; and dl,,, which represents differential
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elements of length for traces Ty and Tp,, respectively. When k = m, Eqn.
(1) gives the self L, of a trace.

In the case where the current is not uniform in a trace, the trace can be
divided into rectangular filaments (see Figure 5). The current is assumed to
flow along the length of each filament with a constant density within each
filament. Therefore, Eqn. (1) may be used for each filament. It is easy to
see that Foundations 2.1 and 2.2 hold for each filament with respect to Eqn.
(1). Le., the self L, of a filament is solely decided by the filament, and the
mutual L, between two filaments is solely decided by the two filaments. The
conclusions hold for cases of a single trace and multiple traces.

5 filaments

Figure 5: A trace is divided into 3 x 5 filaments. It is assumed that the
current density is the same within a filament.

If we assume that trace T has P filaments, and trace T,, @ filaments,
then L, is given by

P Q
Ly = ZZLm; (2)

=1 y=1

where Ly, is the mutual L, between filament ¢ of T} and filament j of T;,.
Again, when k = m, Eqn. (2) computes the self L, for a trace. Because
Foundations 2.1 and 2.2 hold for L, , it is easy to see that Foundations 2.1
and 2.2 still hold after using Eqn. (2) to compute L, for traces.
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2.3 Table-based Inductance Extraction

The two foundations enable us to reduce the n trace inductance problem
into 1-trace subproblems to solve the self L,, and into 2-trace subproblems
to solve the mutual L,. There is no loss of accuracy during the reduction.
As given in [14], the self inductance may be solved by

21
w4+t
where k = f(w,t) and 0 < k < 0.0025, and I, w, and ¢ are length, width and

thickness of the trace in unit of ¢m. The mutual inductance for two traces
of same width and length is

L(nH) = 2[[In +0.5 — k] (3)

L(nH) = M—Srl[an—l—l-i—f] (4)

where s is the spacing between two traces, again in unit of cm.

length 1000pum
width(um) 1 1.2 2
Self L,(nH) 1.480(0.0%) | 1.461(-1.2%) | 1.400(-5.4%)
Mutual L,(nH)- || 1.101(0.0%) | 1.100(-0.1%) | 1.096(-0.5%)
length 4000pm
width(um) 1 1.2 2
Self L,(nH) 7.028(0.0%) | 6.951(-1.1%) | 6.709(-4.5%)
Mutual L,(nH) || 5.551(0.0%) | 5.508(-0.1%) | 5.490(-1.1%)

Table 1: On-chip self and mutual inductance computed via numerical extrac-
tion for two parallel wire traces with pitch-spacing being 3um, and the thick-
ness being 1pm. For each length, three wire widths are assumed, namely,
lum, 1.2um (i.e., the width has 20% variation compared to width=1pm),
and 2um (i.e., the wire is up-sized by 100% compared to width=1um). Per-
centages of inductance changes with respect to inductance for width=1pm
are also given.

These equations give us two insights: First, the inductance for on-chip
interconnects is not linearly scalable. Both self and mutual inductance are
super-linear functions of the trace length. Secondly, because of the logarith-
mic operation of j—it and %, both mutual and self inductance is less sensitive
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to variations of trace width and spacing as the capacitance and resistance
are. The two insights are also verified by experiments with numerical in-
ductance tools. For example, in Table 1, we report both self and mutual
inductance for two parallel wire traces with pitch-spacing being 3um. For
each length, three wire widths are assumed, namely, 1um, 1.2um (i.e., the
width has 20% variation compared to width=1pm), and 2um (i.e., the wire
is up-sized by 100% compared to width=1gum). One can see the following
from the table: First, the inductance is not linearly scalable with respect
to the wire length. For example, when the wire width is 1ym and the wire
length increases from 1000um to 4000pm (an increasing factor of 4x), the
self inductance increases by a factor of 4.74x rather than 4x. Second, the
inductance variation is only around 1% for the 20% variation of wire width.
Therefore, there is no need to consider the impact of process variation for
inductance extraction, even though the impact must be considered for resis-
tance and capacitance extractions as in [13]. Finally, when we up-size the
wire width by 100%, the inductance changes by up to 5.4% for self induc-
tance, and by 4.5% for mutual inductance. Therefore, interconnect sizing

and spacing might not be an effective way to change inductance?.

There are limitations of applying the two equations however. First, they
do not consider the skin depth and internal inductance; Second, widths are
not considered for mutual inductance. Therefore, we will propose to build
tables via numerical inductance extraction for self and mutual inductance.

There are two parts in the table-based inductance extraction. One is to
pre-compute inductance tables. We assume that each layer has a nominal
thickness, and build tables for different layers. The self inductance table has
two dimensions: width and length. The mutual inductance table has four
dimensions: widths for two traces, the spacing between them, and the length.
The 3D inductance extraction tool RI3 [11] is invoked to solve a block of
two traces for different combinations of lengths, widths, and spacings. The
resulting self and mutual inductance is stored in tables. Note that only 2-
trace subproblems need to be solved, because results to 1-trace subproblems
are parts of results to 2-trace subproblems. In addition, the inductance
depends on the skin depth, which is a function of frequency. We run RI3
[11] under the significant frequency. The significant frequency is defined
as 0.17/t,, where ¢, is the minimum rising/falling time [4]. It captures the

20n the other hand, because the coupling capacitance depends strongly on the spacing,
the optimal interconnect sizing and spacing is effective to reduce RC delay (as well as
capacitive coupling).
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majority of high-frequency components for the signal with rising/falling time
t,.

The other part of the table-based inductance extraction is table lookup.
For each trace in a block, we obtain a self inductance from tables for a
given layer, length and width. For any combination of two traces T; and T},
we obtain a mutual inductance from tables for a given layer, widths, and
spacing between T; and T;. A bicubic spline algorithm [15] will be used to
compute inductance that is not given in the table.

2.4 Applications of Efficient Inductance Model
2.4.1 L.y for Coplanar-waveguide

The coplanar-waveguide structure (a block of size n = 3, see Figure 6) is
often used for on-chip clock trees in high-speed designs. Not to consider the
inductive effect will lead to a significant underestimate of delay and noise.
Therefore, the effective loop inductance (L.ss) of the signal trace needs to
be computed in order to use the transmission line theory. In the following,
we derive L.y as a function of L, for the three traces T7, T and T3, where
T3 is the signal trace, and T and T35 are coplanar power/ground traces.

if"{

i1 i2 i3

T T2 T3

Figure 6: The top view of a coplanar-waveguide. T} and T3 are dedicated
power/ground traces.

Ly is defined for the current loop that has two segments: the first seg-
ment is current i through T5; the second segment has two parallel branches,
i.e., 11 through T} and i3 through T5. According to the definition of Leyy,
we have

diq

AV = LS (5)
dig diy dis diy dig dig
= Lpzz'at_ + me% + Lpys at Lp,, E’ - Lplz—c_lt— - Lms—cﬁ
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and the two power/ground traces have the same voltage drop

di dig di3 diq diy diz
pll#+LP12Et—+LPISE = L _—+LP23E'+LP33_dt_ (6)

L P13 dt

finally, the current is conservative according to KCL
ii+ia+iz = 0 (7)

Lesf can be derived by simultaneously solving (5)-(7). When T and T3 are
symmetric with respect to Tz, Ly is

Lessf = Lpy —2Lpy + 'Iigll' + L_;)& (8)

Experiments show that (8) using our partial inductance tables gives re-
sults almost identical to L.s; obtained by 3D extractions using RI3 [11].
For example, we compute the L.;s for a coplanar-waveguide structure with
all three traces 10um wide, 2000pm long, and separated by 2um. The L.y
given by our formula (8) using table-based partial inductance is 0.839nH,
while Lcss given by RI3 is 0.840nH. The difference can be almost ignored.

2.4.2 Impact of Layout Optimization

We have shown that wire sizing and spacing are not effective to reduce the
inductance. However, as wire sizing and spacing are effective to change the
coupling capacitance, wire sizing and spacing are still effective to reduce the
coupling noise between adjacent wires.

The above inductance model can be used to generate the RLC circuit
model. In the following, we apply the resulting RLC model to study the
impact of buffer insertion and shield insertion. We use a bus structure as
an example. It has 18 signal traces, and two fat power-traces outside the
signal traces. The wire thickness is 2.0um, and spacing is 0.8um, both for
all traces. The width is 0.8um for all signal traces, and is 16um for two fat
power-traces. We assume the following signal pattern: all signal traces are
simultaneously switching up with rising time of 80ps, except that one of the
two central signal traces is the quiet victim. We also assume that all devices,
including drivers, buffers and receivers, are 40x of the minimum inverter in
a representative 0.18um CMOS technology. Based on SPICE simulations,
we will show how buffer insertion and shielding insertion reduce the noise
under the RLC model.
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A. Buffer insertion

It is well known that buffer insertion is effective to reduce the RC delay
and capacitive noise. It is also very effective to reduce the inductive noise,
since the original longer current return loop becomes shorter, as the current
returns through the inserted buffers. Furthermore, as we discussed in the
above (see Table 1), the inductance is a super-linear function of the wire
length, more precisely, the DC-connected wire length between devices such
as drivers, buffers and receivers. Therefore, while inserting a buffer at the
middle point of a long wire reduces the coupling capacitance by a half for
each DC-connected wire, it reduces the mutual inductance by more than a
half for each DC-connected wire.

In the following example via SPICE simulation under the RLC model,
we assume that for all traces, the wire length is 4000um. We measure
the noise at the far-end of the victim trace (the input node of receiver)
for three cases: no buffer, one buffer, and three buffers inserted for each
single trace, respectively. These buffers are inserted uniformly. Therefore,
the DC-connected wire lengths are 4000pm, 2000pm and 1000pm for three
cases, respectively. As shown in Table 2, compared to the case of no buffer
insertion, inserting one buffer reduces the noise by 21.1%, and inserting three
buffers reduces the noise by 42.3%. Note that the noise is measured at the
inputs of devices for the victim trace. Much less of noise will be observed if
the measurement is made at the output of devices.

[ number of buffer inserted l 0 T 1 l 3 [
wire length (um) 4000 2000 1000
Noise (V) 0.71(0.0%) | 0.56(-21.1%) | 0.41(-42.3%)

Table 2: Comparison of noise between different buffer insertion solutions.

B. Shield insertion

A shielding trace is a wire directly (without through devices) connected to
power or ground networks.®> It can provide the dedicated current return

®The most convenient way to connect random shields is to add vias between shields
and P/G wires in orthogonal routing layers. In this chapter, we assume that there is a
connection between the P/G structure and every 200um-long shield.
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path to reduce the inductive noise. In the following experiment, we assume
that for all traces, the length is 4000um, and no buffers are inserted. We
again measure the noise at the far-end of the victim trace (the input node
of receiver) via SPICE simulation. We will insert shielding traces to make
the far-end noise of the victim trace less than 0.25V.

When there is no shielding traces, the noise of victim trace is 0.71V.
Then, we insert a shielding trace for every six signal traces, and increase
the width W, for shielding traces from 0.8um to 2.4um. The noise is 0.22V
with W, = 2.4pim. Finally, we insert a shielding trace for every three traces.
The noise is 0.17V when W5 = 0.8um. As shown in Table 3, there is a clear
trade-off between area and noise: we may reduce the noise by a factor of 4.2x
while the total width, the sum of the total wire width and total spacing, of
the bus structure is increased by 13%, and the total wire width is increased
by 8.8%.

| Ny | W, | Noise (V) | total width (um) | wire width (um) |

18 | ~ 0.71 61.6 46.4
6 |08 0.38 64.8 46.0
6 | 1.6 0.27 64.4 49.6
6 | 24 0.22 68.0 51.2
3 1038 0.17 69.6 50.4

Table 3: Comparison of noise between different shielding insertion solutions.
Column one (Nj) is the number of signal traces between two shielding traces,
and column 2 (Wj) is the width for the shielding traces. Column 3 is the
total width (including the total spacing) of the the bus structure, and column
4 is the total wire width.

2.5 Conclusions and Discussions

In this section, we have present an efficient table-based inductance model for
parallel coplanar wires. Several papers have extended this model. Our table-
based inductance model is not applicable to strip lines and micro striplines
with power/ground planes. In [16], two new foundations have been devel-
oped to compute the loop inductance for strip lines and micro striplines, in
a fashion similar to Foundations 2.1 and 2.2. Our table-based inductance
model is not applicable to random wires either. Different from parallel wires
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that have the same lengths, and are aligned and routed in the same metal
layer, random wires may have different lengths, and may routed in the dif-
ferent layers. In [17, 18], formulae have been developed to compute the
inductance for random wires based on the table-based inductance model for
parallel wires.

Further, we have studied the impact of layout optimization based on
SPICE simulation using the RLC circuit model. We show that both buffer
insertion and shield insertion are effective to reduce noise. Related studies
and tutorials can be found in [19, 4, 20, 21]. In the next section, we will
discuss algorithms to leverage the shield insertion with simultaneous net
ordering.

3 Simultaneous Shield Insertion and Net Ordering

Interconnect synthesis has been extensively studied for RC interconnect
models, including routing topology generation, wire sizing, wire spacing,
device sizing, buffer insertion, net ordering, and combinations of these de-
sign components. A comprehensive survey of these work can be found in
[1].

There has been some preliminary work using the RLC interconnect mod-
els as well, including routing topology generation [22], wire sizing [23] and
buffer insertion [24]. However, all of them assume a single RLC net, which
is not adequate as discussed in Section 1. Below, we present the formulation
and algorithm for simultaneous shield insertion and net ordering (SINO)
problem. It is one of the earliest work that studies the interconnect synthe-
sis for multiple RLC nets.

3.1 Preliminaries
A. Coplanar Interconnect Structures

Again, we consider only parallel coplanar interconnect structures with all
wires having the same lengths. These are characterized as a number of
signal traces and power/ground traces which run parallel in the same layer.
We give an example of this structure in Figure 7. In the figure, P and
G represent the power and ground grids (P/G grids), s represents signal
wires (denoted as s-wires), and g is a shield wire connected to P/G grids.
Both P/G grids and shield wires provide dedicated current return paths
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for signals, and are denoted as g-wires in this chapter. We use the terms,
“trace”, “wire” and “net” interchangeably.

JERREE

Figure 7: A cross-section view of a coplanar interconnect structure with a
shield inserted.

A coplanar interconnect structure can be represented by a string, where
each symbol stands for an s-wire or a g-wire. For example, the interconnect
structure in Figure 7 can be represented by gssgssg if we do not distinguish
these s-wires (or alternatively, g2sg2sg). If we label the s-wires from left
to right as s;, sg, s3 and s4, then the string gs;s2¢s3s4g is a unique rep-
resentation of a net ordering and shield insertion solution (referred to as a
SINO solution or a SINO string). In this chapter, a SINO string implicitly
includes a shield trace (the power and ground grids) as its first and last
element. These P/G grids are shield resources, but are not considered in so-
lution size computations as they are present generally, with or without noise
considerations. The “size” of a SINO solution can be determined directly
from the length of the SINO string. As an example, consider the following:
< g > 5153059548598756¢S0 < ¢ >. This string represents an eight (signal)
bit interconnect structure with two g-wires (plus two implicit g-wires for the
P/G grids denoted as < g >). Note that we can apply our formulations
and algorithms to be presented to any group of wires which may contain
pre-routed g-wires more than just a pair of P/G grids. We call the group
of wires sandwiched between adjacent g-wires a block, and the number of
s-wires in a block as the block size. A block can be represented as a sub-
string of a SINO string (i.e. block 0 of the above string would be written as
$183). As in the original SINO string, the g-wires on each end are implicit
with the substring.

B. Characteristics and Model of Inductive Coupling

We illustrate the characteristics of inductive coupling in Figure 8, where we
show the mutual inductance from the leftmost s-wire to all other s-wires.
Cases (a) and (b) in the figure show two interconnect structures, g18sg and
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Figure 8: Illustration of mutual inductive coupling from a signal wire (s1) to
other signal traces for two coplanar structures. Structures (a) and (b) show
coupling from s; to all other s-wires as a function of wire-order number for
the gl8sg and gbsgbsgbsg structures, respectively.

96sg6sg6sg, respectively. As shown by (a) where there is no shield between
s-wires, the mutual inductance decreases slowly from left to right. This
implies that net ordering is not effective to reduce inductive coupling. In
comparing (a) with (b) in the figure, the mutual inductance between wires
separated by shields becomes much smaller compared with coupling to wires
within the same block. Therefore, shields are effective to reduce inductive
coupling.

In order to efficiently model inductive coupling between two arbitrary
s-wires, we use the coupling coefficient between two s-wires as the figure of
merit. The coupling coefficient between two nets s; and s; is defined as

Vs

where m;; is the mutual inductance between s; and s;, and /; and [; is
self inductance for s; and s;, respectively. We use an “effective coupling
model”, i.e. K.fs model, in this chapter in order to efficiently compute the
coupling coefficient. In this model, when nets 7 and j are in different blocks,
the coupling coefficient is K;; = 0. When the two nets are in the same
block, as shown in Figure 9 where N; and N; are track ordering numbers for
the two s-wires, and g; and g, are track ordering numbers for the two edge

K; =

4This assumption may occasionally lead to under-estimating inductive coupling, which
will be discussed in Section 3.5.
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Figure 9: Illustration of K.s; computation. NV; and IV; are two signal wires
in the same block sandwiched by ground wires g; and g,. f(i) and g(j) are
two linear functions of the wire order number 7, 7 as shown by the sloping
dotted line. The mutual inductance coupling is given by the mean of f(¢)

and g(j).

g-wires, the coupling coefficient is computed as

i
K, = );Q(J))
where f(i) and ¢(j) are two functions defined as follows: We assume that the
function fis 0 at g;, and is 1 at IV;; therefore f(z) is the linear interpolation,
e, f(i) = %%’—%, Similarly, we can compute g(j) = %g”%]]://-;
=gt gr—N;

The K.f; model is independent of the width, length and spacing of s-
wires and g-wires. As an illustration in Figure 10, we compare the coupling
coefficients given by the K. model and the three-dimensional field solver
FastHenry [2]. In the figure, the x-axis indicates the coupling coefficient
given by FastHenry and the y-axis indicates the coupling coefficient given
by the k.;s model. We use coplanar interconnect structures g(6sg)%6sg (i.e.,
g65g6sg6sg) and g(3sg)°3sg. The wire width is 0.8um, length is 1000um,
thickness is 2um and the spacing between wires is 0.8um. The three dashed
lines in Figure 10 indicate differences of 0%, +15% and —15%, respectively.
One can easily see that most of the data points lie within the £15% error
range.
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Figure 10: Accuracy of K.;; model. The x-axis is the mutual inductance
coefficient as computed by FastHenry. The y-axis is the K; value calculated
by the K.y model. Error lines for +15%, 0%, and -15% difference between
the models indicate the quality of the K. model.

C. Net Sensitivity

We define two nets s; and sy to be sensitive to each other if a switching
signal on s; will cause s; to malfunction (due to extraordinary crosstalk
or delay variation) or vice-versa. Net sensitivity is depicted graphically in
Figure 11.

The sensitivity for all s-wires in a given problem can be represented com-
pactly with a sensitivity matrix S of size n x n (where n is the number of
s-wires) as shown in Figure 12. The graphical representation of the sensi-
tivity matrix (essentially an undirected graph structure), is also shown in
Figure 12. An entry of 1,0 in location (7, ) indicates that s; and s; are
sensitive or not sensitive, respectively, to one another. By definition, the
matrix must be symmetric since the underlying graph is undirected (i.e.
Si; = S;i). For all formulations, we assume that an appropriate sensitivity
matrix indicating design parameters and net relationship semantics is given
a priori.
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Figure 11: Illustration of net sensitivity. The y-axis indicates signal (volt-
age) level and the x-axis indicates time. The switching event on the aggressor
induces a noise voltage in the two victims as shown. For victim,, the noise
pulse occurs during a sampling window-hence the aggressor and wvictim,
are sensitive. For victimg, the noise pulse does not occur during a sampling
window-hence the aggressor and victim, are not sensitive.

3.2 Formulation of Optimal SINO Problems

We say that an s-wire s; is capacitive noise free if it is not directly adjacent
to any other s-wire s; that is sensitive to it. Similarly, we say that s; is
inductive noise free if it does not share a block with any other sensitive wire
sj. We say a placement P (or equivalently, a SINO solution, or a SINO
string) is noise free if, and only if, all nets s; within P are free of both
capacitive noise and inductive noise. With respect to these concepts, we
define the following SINO problem to eliminate Cz and Lz noise and call it
the noise free SINO problem (SINO/NF).

Formulation 3.1 (Optimal SINO/NF problem) For a given placement P,
find a new placement P' by simultaneous shield insertion and net re-ordering
such that P’ is noise free and the total area of P' is minimal.

In general, the SINO/NF problem is over-constrained and may lead to
over-designed solutions as shown in Section 3.5. To address more realistic
design constraints, we define the following SINO problem to meet a given
noise bound and call it the noise bounded SINO problem (SINO/NB).

Formulation 3.2 (Optimal SINO/NB problem) For a given placement P,
find a placement P’ with the minimum area by simultaneous shield insertion
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Figure 12: Tllustration of a sensitivity graph and the corresponding sensitiv-
ity matrix. The nodes in the graph correspond to signal nets, with an arc
between the nodes indicating that two nets are sensitive to one-another. The
sensitivity matrix is an equivalent representation for the sensitivity graph
shown.

and net re-ordering such that any s; in P’ is free of capacitive noise and its
inductive coupling to all sensitive wires s; is less than a given value.

In this chapter, we use the K¢;s model as the figure of merit for inductive
coupling. If s-wire s; is a net sensitive to s-wire s;, we may compute the
total amount of inductive coupling for s; as:

Ki=)_Si; Ki
i

Therefore, we solve the following optimal SINO/NB-K.¢ problem: For a
given placement P, find a new placement P’ by simultaneous shield inser-
tion and net re-ordering such that P’ is free of capacitive coupling and the
inductive coupling K; satisfies K, < k; for all K; where k; is given a priori
and is a measure of inductive noise that can be tolerated in an s-wire to
maintain correct operation. Throughout the rest of this chapter, we use a
uniform value of k; denoted as Kihresn (2 noise threshold for K). However,
our formulation, algorithms, and implementation are all able to handle non-
uniform k¢pres,. Note that we only consider insertion of minimum width
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shields because it has already been shown that, in general, using additional
shields is more effective than increasing the shield wire width.

We attempt to solve both the SINO/NF problem and SINO/NB-K ¢/
problem in Section 3.3. For simplicity of presentation, we use SINO/NB
as shorthand for SINO/NB-K, ¢ throughout the remainder of the chapter.
Note that our formulation and algorithms to be presented are applicable to
inductive noisé' models more accurate than the K.¢s model.

3.3 SINO Properties
Theorem 3.3 The Optimal SINO/NF problem is NP-hard.

Theorem 3.4 The optimal SINO/NB problem is NP-hard.

Given that the SINO/NF and SINO/NB problems are NP-hard, we will
focus on developing heuristic/approximate algorithms to solve the problems
with satisfactory results. Before we present these algorithms, we first intro-
duce the following lower bound for the optimal SINO/NF solution:

Theorem 3.5 The mazimum clique size in the sensitivity graph is a lower
bound of the number of blocks required in all optimal SINO/NF solutions.

The theorem follows directly from the formulation of the sensitivity
graph and the definition of the maximum clique in a graph [25]. To il-
lustrate this conclusion and further show that the maximum clique size is
not an upper bound for the total number of blocks in optimal SINO/NF
solutions, we present two examples in Figure 13. For the sensitivity graph
in Figure 13(a), it is easy to verify that the graph has a maximum clique
size of two. An optimal SINO/NF solution is ABgCDE, and there are two
blocks in the solution. The sensitivity graph in Figure 13(b) is nearly the
same as in Figure 13(a), except that an edge is added between C and D, i.e.
nets C and D are sensitive to each other. The reader may easily verify that
indeed this graph still only has a maximum clique size of two, but it is not
possible to find a SINO/NF solution for this graph with two blocks. One
optimal solution, consisting of three blocks, is AEgC DgB. Therefore, the
maximum clique size is not a strict upper bound of the number of shields
required in an optimal SINO/NF solution. Comparisons between the lower
bound and the number of shield wires used will be presented in Section 3.5
to illustrate the quality of our approximation algorithms.
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Figure 13: Sensitivity graphs: (a) Both the maximum clique size and the
number of blocks are two; (b) The maximum clique size is two, but the
minimum number of required blocks is three.

3.4 SINO Algorithms

We develop four approximate algorithms for solving the SINO/NB problem:
greedy-based shield insertion (SI) algorithm, net ordering for minimizing
C'z noise followed by SI algorithm (NO+-SI algorithm), graph-coloring based
SINO algorithm (SINO/GC algorithm), and simulated-annealing based SINO
algorithm (SINO/SA algorithm). We solve the SINO/NF problem by using
the SINO algorithms and setting the noise bound to zero. We will compare
different problem formulations and algorithms in Section 3.5. We consider
Lz and Cz noise explicitly in all algorithms. In order to more succinctly
describe the algorithms and not clutter them with trivial details, we also
define the following operations and quantities:

e Insert_Shield(a): Given a placement P of size m, move all wires (s-
wires and g-wires) at locations a,a+1,...,m — 1 to locations a+1,a+
2,...,m in the placement, creating a new placement P’. Then, insert
a g-wire at location a in P’. Finally set P = P'.

e Compute_Coupling(s;): Given a placement P of size m, for each s; #
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s; in the current block in P, if s; is sensitive to s; compute the K.y
between s; and s;. Sum the K s over all sy.

e Compute_Block_Coupling(s;): For each s; in the current block, find
the maximal K.¢s computed by Compute_Coupling(s;) and return it
(the maximal K; for any s-wire within the block).

e Maz Clique(S): Compute the maximum clique in sensitivity graph

S.

o Compute_Placement_Cost(): Compute the cost for a placement. De-
tails of this are given in Section 3.4.

With these definitions in place, we can succinctly describe our SINO/NB
algorithms. The SI and SINO/GC algorithms can be described easily and
intuitively. SINO/SA is slightly more complicated, hence we assume that
the reader is familiar with SA (for a discussion of SA in other VLSI design
contexts, see [26], [27]).

A. Greedy Based Shield Insertion Algorithm

In Figure 14, we present the greedy-based shield insertion (SI) algorithm.
The essence of the algorithm is the following: Run through the given place-
ment P. If we encounter two adjacent sensitive nets, insert a shield wire
between them. Also, at each location in the placement, calculate the maxi-
mum value of K; that would exist in the current block if we allowed net s;
to become a member. If K; is greater than Kyx,esh, then create a new block.

SI Algorithm: Given a placement P
for each s-wire s; in P at location a:
if 5; at location P(a — 1) is sensitive to s;
Insert_Shield(a)
BC = Compute_Block _Coupling(s;)
if (BC > I{thresh)
Insert_Shield(a)
Pla+1)=s

endfor

Figure 14: Greedy shield insertion algorithm (SI)
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Because one shield wire is needed for every pair of adjacent sensitive
wires, the solution given by the SI algorithm depends on the initial place-
ment. Obviously, the number of shield wires can be reduced by first running
existing net ordering algorithms to re-order nets so that no sensitive nets
are adjacent to each other, then invoking the SI algorithm. This leads to
the NO4SI algorithm.

B. Graph-Coloring Based SINO Algorithm

Graph Coloring (GC) Algorithm:
Given an initial sensitivity graph S of signal nets:
MC = Maz Clique(S)
P = new placement with MC blocks
for each s-wire s;
for each block b in P (sorted from largest to smallest)
if Compute_Block_Coupling(s;) ==
Insert s; into b
next s;
endfor
for each block b in P
if Compute_Block_Coupling(s;) < Kipresh
Insert s; into b (adjacent to non-sensitive nets)
next s;
endfor
Insert_Shield(end_of _placement)
Insert s; into the new block
endfor

Figure 15: Graph-Coloring SINO Algorithm (SINO/GC)

In Figure 15, we present the graph-coloring based SINO (SINO/GC) al-
gorithm. This algorithm attempts to approximate a solution to the weighted
graph coloring problem by using the maximum clique as a starting point.
It works in the following way: First, determine the maximum clique in the
sensitivity graph S. We have shown that this is a lower bound for the num-
ber of shields required in the SINO/NF problem. Let m be the maximum
clique size. We first create a placement with m blocks. We then take each
net s; and try to place it into a block with no other sensitive wires. If we
cannot do this, we insert s; into a block where inserting s; will cause the
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least amount of noise to be added but without causing a noise violation. If
we cannot place s; without creating a Kyp,esn violation, simply create a new
block and place s; into it.

Note that the SINO/NF problem can be mapped into the graph-coloring
problem as outlined in the proof of Theorem 3.5, and then be solved using
the graph coloring algorithms given in [28], [29].

B. Simulated Annealing Based SINO Algorithm

In Figure 16, we present the simulated-annealing based SINO (SINO/SA)
algorithm. We give the details of our SINO/SA algorithm in the following
subsections:

Cost Function Compute Cost(P) computes the cost for a placement P.
The cost is the weighted sum of the following components: (i) Cap_violation:
total number of nets that are adjacent to their sensitive nets in P; (ii) Area:
total number of g-wires present in P; (iii) Ind_Noise: total number of K; >
Kihresh violations in P; and (iv) Inductance Violation Figure. It is computed
for a placement as shown in Figure 17. The purpose of the Inductance
Violation Figure is to penalize a placement for the magnitude of Kippesn
violations. Its usage (as opposed to simply forbidding placements P’ that
have Kipresn violations) allows the algorithm to potentially trade inductive
noise violations for smaller overall placement size depending on the result
desired, and can be useful in different SINO formulations. The weighting
factor for each cost component can be tuned for different design objectives.
In this chapter our stated goal is to minimize placement size without vio-
lating Kxresh noise constraints, hence weighting factors were chosen to help
us achieve these goals with maximal efficiency.

Random Moves Random_Move(P, P’) performs one of the following changes
to placement P to generate a new placement P’: (i) Combine two random
blocks in P, (ii) Swap two random s-wires in P, (iii) Move a single random
s-wire to a new and random location, (iv) Insert a g-wire at a random lo-
cation in P. It is worthwhile to note that combining two random blocks

in a placement P is also equivalent to removing a g-wire if the two blocks
are adjacent. Moves which create two adjacent g-wires in a placement are
categorically rejected and a new move is tried.
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Simulated Annealing Algorithm: Given a placement P:
Repeat
Temp = Initial_Temperature;
Repeat
Random_Move(P, P');
Candidate_Cost = Compute_Cost(P’);
ds = Candidate Cost — Compute_ Cost(P);
if (ds < 0)
P=PF;
else
r=RANDOM/0,1);
if (r < exp(—ds/Temp))
P=P;
Until equilibrium at Temp is reached;
Temp = Temp * Temperature_Adjustment;
/*(0 < Temperature_Adjustment < 1)*/
Until Temp == Freezing_Point;

Figure 16: Simulated Annealing SINO Algorithm (SINO/SA)

Total Violation_Figure = 0;
for each s; in placement P
if Compute_Coupling(s;) > Kthresh
Total Violation Figure+ = (1+ K55 — Kipresn)® — 1
end

Figure 17: Computation of the Inductance_Violation_Figure

Temperature Adjustment and Stopping Criterion The method of
temperature adjustment is shown in Figure 16. We use a simple multiplica-
tive constant of the current temperature. At each temperature step, the
variance of the current placement cost from its previous value is taken and
averaged over several random moves to determine the stability of the sys-
tem at each temperature. When the variance is less than a set threshold,
we move to the next temperature step. The starting temperature, freez-
ing point, temperature adjustment, and variance threshold factors were all
determined experimentally.
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3.5 Experimental Results

[ | SINO/NF | SINO/NB |

Kinesn | GC | SI [ NO+SI | GC | SA
Net Sensitivity Rate: 10%
05 | 35(2.0) [ 80 ] 49 |26]22

1.0 6.1 3.3 2.2 |20
1.5 5.1 2.2 2.0 | 1.0
2.0 5.0 1.8 2.0 | 1.0

Net Sensitivity Rate: 30%
0.5 6.5(4.0) 13.4 6.9 5.0 | 4.5

1.0 12.6 4.8 4.2 138
1.5 12.1 3.6 4.0 | 2.9
2.0 11.9 3.0 4.0 | 2.0

Net Sensitivity Rate: 60%
0.5 12.0(9.0) | 22.2 9.0 99179

1.0 22.1 6.0 9.0 | 5.8
1.5 22.0 4.9 9.0 | 4.8
2.0 22.0 4.0 9.0 | 4.0

Table 4: Number of shields inserted by SINO algorithms. The numbers in
parenthesis are lower bounds on the number of shields required in SINO/NF
solutions.

We have implemented all algorithms in the C programming language,
and have tested our implementations using a large number of examples.
In this section, we first compare results obtained by different approximate
algorithms to the SINO/NB formulation, and then compare results given by
two formulations (SINO/NF versus SINO/NB). We also report the running
time for different formulations and algorithms.

We use a coplanar interconnect structure containing 32 s-wires as an
example to determine the performance of the algorithms for different com-
binations of Kip,espn and sensitivity rate. We consider the following values
for Kipresn: 0.5, 1.0, 1.5 and 2.0. When Ky esp, = 0.5, the total of coupling
coeflicients for a net is less than 0.5 in the target SINO solution. We iterate
the following sensitivity rates: 10%, 30% and 60%. When the sensitivity
rate is 10%, each net is sensitive to 10% of all nets, and these sensitive nets
are picked randomly for the given s-wire. The number in parenthesis is the
SINO/NF lower bound on the number of shields.
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For each combination of Kyx.esn and sensitivity rate (see Table 4), we
report the resulting number of shields for different formulations and algo-
rithms. To make the comparisons “fair” among the different algorithms, we
run each algorithm on the same initial placement for 20 different random
placements/sensitivities. The average of these 20 runs is shown in Table 4.
Note that there is no entry in the tables for C'z noise because there was not
any in all cases. Finally, it is worthwhile to point out that we did not tune
our SINO/SA algorithm for different examples.

3.5.1 Comparison between Different SINO/NB Algorithms

We compare the following approximate SINO/NB solutions given by the fol-
lowing algorithms: greedy-based shield insertion (SI), net ordering followed
by SI (NO+SI), graph-coloring based SINO (SINO/GC), and simulated-
annealing based SINO (SINO/SA). One may easily see from Table 4: First,
SI is always significantly worse than all of the other solutions in terms of the
number of shields inserted. In the worst case, SI yields a result about 550%
worse than SA in terms of the number of shields inserted (see sensitivity
rate of 60% and Kypresn of 2.0). Furthermore, performing net ordering be-
fore SI, i.e., NO+SI significantly outperforms SI only because we need not
insert shields for C'z violations which may be present without performing
net ordering. On the other hand, at lower sensitivity rates (10% and 30%)
and low Kyp,esn values, SINO/GC performs significantly better than NO+SI
in terms of shields inserted (ranging from 46% better to 9% better) because
SINO/GC can consider global placement of signal nets to minimize noise,
whereas NO+SI cannot. As we move to higher sensitivity rate (60%) and
Kihresh, we see that NO+-SI begins to overtake SINO/GC because SINO/GC
cannot generate solutions smaller than the maximum clique in the graph by
design, hence not fully exploiting the noise bound. NO+SI also approaches
the performance of SINO/SA under these same circumstances because in
terms of probability, for high sensitivity rates and noise bounds, the initial
random placement (used in NO+SI) is likely to distribute the many sensi-
tive nets fairly uniformly giving less relative benefit from the flexibility to
rearrange all nets and-shields in SINO/SA. For a concrete illustration, at
sensitivity rate of 60% and Kipresh = 1.0, NO+SI performs 33% better than
SINO/GC and 4% worse than SINO/SA.

As we expect, SINO/SA always performs the best for any given setting.
In terms of the number of shield wires, compared to NO+SI, its improvement
increases as sensitivity rates and Kyp,esn decrease, as explained previously.
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It is 4% better at sensitivity rate of 60% and Kipresn = 1.0, and is 55%
better at sensitivity rate of 10% and Kipresp = 0.5. Therefore, it is impor-
tant to consider simultaneous net ordering and shield insertion, rather than
separated net ordering and shield insertion. The improvement of SINO/SA
over SINO/GC does not depend much on the sensitivity rate, but increases
when Kipresh goes up, for the same reason NO+SI outperforms SINO/GC at
higher Kypresn. At sensitivity rate of 60%, it is 12% better for Kpresp = 0.5,
and is 56% better for Kippesh = 2.0.

3.5.2 Comparison between SINO/NB and SINO/NF Formula-
tions

We first compare the SINO/NF and SINO/NB solutions. We base our com-
parison on the results produced by the best SINO/NB algorithm (SINO/SA)
and the GC algorithm for the SINO/NF formulation. For the smallest
Kihresn value of 0.5 (in order to make SINO/NB most closely approximate
SINO/NF), compared to the SINO/NF formulation, the SINO/NB formu-
lation uses about 35% fewer shield wires for all sensitivity rates. Because
our GC algorithm provides an approximate to the SINO/NF formulation,
we computed the average lower bound of shield wires via average maximum
clique size (based on Theorem 3.5), and present these lower bounds between
parentheses in the column for GC algorithm, SINO/NF formulation. Com-
pared to these lower bounds, the SINO/NB solutions still use up to 12%
fewer shield wires for the lowest Kip,.s,=0.5.

L l SINO/NF | SINO/NB ,
GC SI NO+SI | GC SA
Runtime 0.1sec 0.1sec | 0.1sec | 0.3sec 1.5se¢

Table 5: Approximate run times for SINO algorithms with sensitivity rate
of 30%.

Finally, we report runtime in Table 5, where the times are for a single
run for a single interconnect structure. Note that the running time for
the NO+SI algorithm does not include the time for net ordering—we simply
applied the SI algorithm to initial placements that are free of C'z noise. As
verified in our experiments, whether the initial placement is free of Cz noise
does not affect the quality of solution given by SINO/GC and SINO/SA
algorithms. The machine used to collect running times has a 450MHz Intel
Pentium II processor. All algorithms finished the test examples in a few
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seconds. Therefore, large interconnect structures can be solved easily by
formulations and algorithms we have proposed.

3.5.3 Fidelity of K.;y Model

The K.s; model is easy to compute and convenient to use at a higher design
level or in an earlier design stage. However, it assumes that the current
returns from the nearest shield, which is not true in general. The current
often returns from quiet wires within the current block if there are plenty of
quiet wires in this block. On the other hand, the current often returns from
shields or quiet wires outside the current block when multiple wires in the
current block switch simultaneously.

Despite the K.r; model is far away from accurate, we observe that it
has a high fidelity in the following sense: an optimal SINO solution with
a higher coupling value under the K.f; model also has a higher SPICE-
computed noise over a distributed RLC circuit model using the partial in-
ductance model. Our observation is based on the following experiment. We
first generate a large number of optimal SINO solutions using our SINO al-
gorithms, then rank these solutions by both the coupling value under K¢/
model and SPICE-computed noise using an accurate RLC circuit model.
We then compute the absolute difference between the two rankings for each
optimal SINO solution. If the ranking difference is small enough, the K¢
model has a high fidelity. The similar ranking techniques have been used to
study the fidelity of the Elmore delay model in [30, 31].

Further, we calculate the SPICE-computed noise difference with respect
to the average ranking difference in the following way: let the average rank-
ing difference be d. For a SINO/NB-v solution whose SPICE-computed
noise ranking is 7, we compute the relative difference between the (i+d)-th
and th SPICE-computed noise, as well as that between the (i-d)-th and
-th SPICE-computed noise. Between the two values, the one with the larger
absolute value divided by the «th SPICE-computed noise value is defined
as noise difference for the solution. In other words, it shows how much
the noise difference is introduced if we use K.y model to approximate the
SPICE-computed noise voltage under an accurate RLC circuit model.

In our SPICE simulation, we generate a RLC segment for each 100um
wire segment, and a mutual inductance between any pair of two segments
even though they belong to the same wire. We use the partial inductance
model in (10, 32], without assuming any current return path. The parame-
ters for the SPICE simulation of the detailed RLC circuit model are sum-
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Figure 18: The distribution of the ranking difference for 3,840 SINO solu-
tions.

marized in Table 6. We report in Figure 18 the distribution of the rank-
ing differences for SINO solutions. The average ranking difference is only
109.387 over 3,840 SINO solutions (i.e., the relative error is 2.8486%). The
noise difference is 5.3592% with respect to the average ranking difference.

Based on the above empirical evidence, we conclude that the K.¢s model
has a high fidelity over SPICE-computed noise using an accurate circuit
model. Note that the above fidelity holds for optimal SINO solutions, be-
cause the SINO algorithms are able to distribute shields and quite wires
evenly both spatially and temporally.

Vdd | clock | wire wire wire rising | driver | load
width | thickness | spacing | time res cap
| 1.05V | 3GHz | 1.0pm [ 1.1pm | 0.8um [ 33ps | 150Q [ 60fF |

Table 6: Experiment settings for fidelity study based on ITRS predicted
0.10um technology

3.6 Conclusions and Discussions

In this section, we have formulated and solved the simultaneous shield in-
sertion and net ordering (SINO) problem under the K. model. We have
shown that the K.fs model has a high fidelity versus SPICE-computed noise
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for SINO solutions.

In this chapter, we assume that the shields can be placed onto any track,
without consideration of pre-routed P/G wires. In [33], a set of formulae
has been developed to estimate the number of shields needed by optimal
SINO solutions for given noise bound. Further, the simultaneous signal and
power routing (SPR) problem has been formulated. The problem deter-
mines a regular P/G structure and finds a SINO solution with respect to
the P/G structure such that the total routing area and number of shields
are minimized. An efficient two-phase algorithm has been developed: a P/G
structure is first speculated using the formula-based shield estimation, then
the optimal SPR solution is found within the very limited neighborhood of
the speculated P/G structure. Experiment has shown that the SPR solu-
tion reduces the total routing area by 1/3 compared to the min-area solution
using a regular P/G structure without allowing any shields.

The K.ff model has been used in this chapter and [33]. A conserva-
tive RLC noise model has been developed in [34]. The noise model applies
table-based models for capacitance and partial inductance, an inductance
screening rule [35] to decide the scope of inductive coupling, and a five-pole
model to compute noise voltage. Further, the SINO problem has been solved
under this conservative model. SPICE simulations using an accurate RLC
circuit model show that the new SINO algorithm leads to solutions with a
smooth tradeoff between the number of shields and targeted noise bound.
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1 Introduction

Today’s state of the art VLSI circuits, microwave integrated circuits, and
next generation VLSI or ULSI circuit designs face new challenging prob-
lems, that is, signal integrity problems. With the advent of deep submicron
semiconductor processing technology, there has been rapid development of
IC with integration of more than several hundred million transistors. These
VLSI circuits will be operated with clock frequencies greater than several
GHz. However, such an increase of integration level and speed raises the risk
of poor noise margins and timing malfunctions during circuit operations.
Therefore, when designing high performance VLSI circuits, very accurate
design methodologies are required.

One of the limiting factors of VLSI circuit designs is the signal integrity
problem concerned with on-chip interconnects and package. As IC intercon-
nects become narrower and are integrated in tighter physical configurations,
they assume a pivotal role in high-speed circuit performance. Therefore,
accurate characterization and modeling of the interconnect and package will
be required in the high-speed circuit designs. Without accurate knowledge
of their performance, it is impossible to precisely predict during a design
stage the clock skew, crossstlak noise, signal delay, and waveform degra-
dation (i.e., signal integrity verification). Thus, the risk of failure of high
performance circuit design increases dramatically.

Accordingly, it is essential to simulate targeted circuits by predicting
their important electrical design parameters. In complicated modern circuit
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designs, a circuit without any simulation cannot be iterated upon quickly
enough to get a profitable production to market. Simulation results should
not only provide the exact electrical characteristics but also suggest design
improvements to the circuit designer. Simulation necessarily requires models
of the system characteristics and model parameters.

Note, while the characterization is used to extract model parameters and
electrical characteristics of unknown systems experimentally, modeling is
used to find the mathematical or physical expressions to explain and predict
future experimental results. Thereby, it is possible through simulations to
predict any system’s characteristics by combining characterized and modeled
components.

The chapter is organized as follows. First, on-chip interconnect modeling
and its model parameter determination are presented. Next, signal delay
models due to the interconnects are introduced, followed by the crosstalk
noise. Finally signal integrity problem due to package(i.e., simultaneous
switching noise) is explained.

2 Interconnect Modeling and Model Parameters

Electrical signal transmission phenomena on interconnect lines traditionally
have been modeled using the Telegrapher’s equations as follows

_____“ava(j,t) - (RI (2,) + L—aIé’t”t)> (1)
Sl (GV (z,) + C—Wg’t)) . )

Their model parameters are per-unit-length-based four coefficient matrices,
[R], [L], [C], and [G]. Thus, the four parameter matrices play a pivotal role in
accurately predicting the electrical characteristics of interconnects. Ideally,
the four model parameter matrices can be determined from semiconduc-
tor process information. This semiconductor process information includes
the physical and electrical description of cross-sectional structures and their
physical dimensions.

Although the full solutions of (1) and (2) give accurate signal variations,
it takes a large amount of computation time to be used in complicated in-
terconnect circuits. In VLSI circuit interconnects, the dielectric loss and
inductive reactance can be neglected as a first approximation. Thus, inter-
connects have been previously modeled with RC ladder circuits, assuming
finite RC charging time is a major delay source due to the interconnect lines
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[1]{2],[3][4]-[8]- The RC model can afford to be readily integrated into any
existing CAD tools for signal integrity simulation. Thereby, with this RC
model, many .of the integrated circuit timing and noise verifications have
been predicted during the layout and routing. However, although the RC
model is simple as well as efficient, it is inaccurate as the circuit speed in-
creases. That is, the RC charging time is only a part of the signal transient
characteristics of IC interconnects. The importance of the inductance ef-
fect due to IC interconnects has been reported by many authors [9][10]-[12].
To overcome the inaccuracy problem of the RC model, an RLC model has
been employed to verify the circuit timing and signal integrity [9][12]-[14].
However, the RLC model also has deficiencies in verifying the high-speed
signal integrity since the frequency-variant transmission line parameters are
not reflected in the RLC model. The waveform distortion and other delay
sources due to the skin effect in the interconnect line and the interfacial po-
larization in the silicon substrate become increasingly important [15]-[17].
Since typical IC interconnects are fabricated on a lossy silicon substrate
which operates as an imperfect ground plane, accurate signal variations on
the IC interconnects cannot be investigated without considering the afore-
mentioned effects. Early work in the IC interconnect modeling at microwave
frequencies examined the microstrip on SiO2-Si substrates and three possi-
ble modes of signal propagation were described [18][19]. Since then, the
signal propagation in the transmission lines on semiconductor substrate has
been analyzed by using various methods [20]-[23]. However, it is inherently
difficult to simultaneously investigate both the silicon substrate effect and
frequency-variant transmission line parameters with a circuit model. Due to
such difficulties in the on-chip interconnect characterizations, s-parameter-
based techniques have been employed which can implicitly include all these
complicated parametric variations of such lines up to a broad frequency
band. Up to date there have been many studies on experimental character-
ization since today’s high-speed integrated circuit design requires accurate
characterization of IC interconnects in several 10’s of GHz frequency range
by treating them as transmission lines [24]-[27]. The frequency variant trans-
mission line parameters of the interconnect line on a SiO4-Si substrate were
experimentally extracted both in the frequency domain and in the time do-
main [24](25][27][28]-[30]. Since next generation VLSI circuits are expected
to have lower noise margin due to lower power and higher speed operation,
much tighter timing skew and noise budget are inevitable [31][32]. Thus,
it will be necessary for the industry to characterize these interconnect lines
directly from measurement and build a representative interconnect charac-
terization database.
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2.1 IC Interconnect Model Parameters
2.1.1 Interconnect Resistance (R) and Capacitance (C)

The simplest configuration of an IC interconnect is a single microstrip line
on a silicon substrate. Metal interconnect lines in VLSI circuits occupy large
amount of die area and are multi-layered. Metal layeres tend to be orthog-
onal to simplify design.and reduce crosstalk between layers. Furthermore,
metal layers will be similar to a solid conductor over a ground plane if spaces
are smaller than a wave length of the signal transmitted. Thus, the upper
level metal layers tend to be electromagnetically isolated from the substrate
by the lower level metal conductors. Therefore, IC interconnect modeling
can be divided into first level interconnect with lossy silicon substrate effects
and upper level interconnect which is masked from substrate effects.

In RC models, the resistance, R, is the thin film resistance. Thus, the
resistance can be readily determined by sheet resistance measurements. The
resistance of line width(w), line thickness (¢), and line length (I) is given by

R = o= R () (3)

where p and R; are the resistivity and the sheet resistance, respectively. The
resistance of the metal may have, in practice, large deviations from layout
dimensions due to over etching or under etching. Therefore, considering the
process variations on metals, the practical R may be bounded within the
following inequality

<R< Ryt (4

Wmaz min

R,

Unlike the resistance, the capacitance is not so simply determined. There-
fore, considerable efforts have been exerted on the capacitance determina-
tion [37][33][38]. Although numerous interconnect capacitance analysis and
design methods have been developed for specific application purposes, the
interconnect characterization approaches can be categorized as traditional
full wave analysis, quasi-TEM analysis, the use of simulators, empirical
models, low frequency measurements, and recent high-frequency-wave-based
characterizations. Each technology has merits and demerits. For example,
although the empirical models are simple, they may have an accuracy prob-
lem. In contrast, the field-solver-based techniques require huge amount of
computation time even if they may yield the more accurate values than the
empirical expressions. Further, both methodologies cannot fully reflect the
realistic situations such as process variations and non-ideal characteristics of
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the devices. Such deviations from the ideality become more serious with the
advent of the deep-sub-micron process technologies. Thus, the experimental
verification of them is essential for guaranteeing the signal integrity of the
modern high-performance VLSI circuits.

(a)

C,=Cyo+C2°
(b)

C, = Cyy + 2CEP"°
(©

Figure 1. Self capacitance and (a) simple line (b) two coupled lines (c) triple
coupled lines.
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Here, the field-solver-based empirical capacitance models which are ac-
curate within about 10% error are introduced [2]. The models presented
the capacitances in terms of the aspect ratio of the interconnect lines. The
single line self-capacitance of Figure. 1(a) is

C1 = o [2.80 (%)Om +1.15 (%)] . (5)

The self-capacitance for the two-coupled lines of Figure. 1(b) is

Cy = Oy + €0 [0.83 (%) ~0.07 (%)0'222 +0.03 (%’-)] (%)‘1'34 (6)

The self-capacitance for the triple-coupled lines of Figure. 1(c) is

Cs = C1 + 20 [0.83 (%) —0.07 (%)O'm +0.03 (%)] (%)4'34 (7)

The coupling capacitance for two coupled lines of Figure. 1(b) is

t 1.08 w 0.32
two __ Z hadl
C.M° = €oz [1.82 (h) +(h)

The coupling capacitances for triple coupled lines of Figure. 1(c)is

£\ 11 0.31 —1.45
clrwle = ¢, [1.93 (E) +1.14 (%) } (% + 0.51) (9)

Note, even if the above equations for the first level interconnects have been
widely used for CAD timing verification, these cannot be directly applied
for the upper layer line capacitances. For the multi-layer interconnect ca-
pacitance determination, 3-dimensional characteristics should be included.
There are some empirical models concerned with 3-D capacitances [33]-{36).
However, the 3-D capacitance determination is exceedingly difficult as well
as time-consuming. Thus, industry, in practice, constructs their own li-
braries for the special structures and then modify them for their practical
applications.

(% + 0.43) o 8)
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2.1.2 Low Fequency Capacitance Measurement Techniques

While the analysis and synthesis of overall system characteristics are possi-
ble through theoretical approaches, practical problems including non-ideal or
unexpected effects are found through experiments. Experiments and theory
are indispensable to the circuit designer to characterize an unknown system.
Particularly, as long as it is concerned wth the capacitances, experimental
verifications are essential since there may be, in practice, large deviation
from simulation results. That is, although both the capacitance and resis-
tance plays a pivotal role in interconnect circuit performance, knowing the
experimental capacitance values is vital to determine the circuit delay and
crosstalk noise (coupling noise) on an IC chip.

In low frequency characterization using open and short circuit measure-
ment techniques, capacitance measurements can be easily achieved. Capac-
itance is calculated from the relationship between a short circuit measure-
ment and the definition of capacitance [37]. However, since short and open
circuit cannot be easily implemented at high frequencies, other measurement
techniques must be used for the high frequency capacitance characterization.

There are several capacitance definitions such as capacitive induction
coefficients, conventional SPICE-like capacitance, and short circuit capaci-
tance, although they are related with one another. Among them the only
measurable definition of capacitance is the short circuit capacitance (par-
ticularly in multi-conductor systems) even if the others are conceptually
physical and easy to understand. In this section, conventional capacitance
and short circuit capacitance are related to each other. Then, a new con-
cept of two terminal capacitance which is measurable quantity is presented.
Finally, short circuit capacitance is represented in terms of the two terminal
capacitance.

Now let us start with the introduction of the self capacitance and mutual
capacitance. In n-conductor systems the charge per unit length on the i-th
conductor, @;, is given by

n
Qi=CuVi+ > Cy(Vi-V)) (10)
J=1,g#i
where
Vi = voltage of the i-th conductor with reference to ground
Cii = capacitance between i-th conductor and ground
Ci; = coupling capacitance between i-th conductor and j-th conductor.
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Note, the above Cj; and Cj; are definitions for a SPICE-like simulation
program. However, for the theoretical analysis, (10) can be rewritten in
terms of a short circuit capacitance matrix. The short circuit capacitance
matrix which is analogous to the node admittance matrix is defined as [38],

Csll e Csln
Cl=| + . (11)
Csnl e Csnn
where
Csji = Csii = Z Cij for j =1 (12)
i=1
Csij = —Ci' for ] # 1. (13)

Thus (10) can be rewritten as,

n
Qi = Z CsiiV; (14)

7=1
where Cj;; is the short circuit capacitance. The main reason why a capac-
itance is defined as the short circuit capacitance matrix is that it is easier
to obtain short circuit capacitances either from the experimental measure-
ments or from the numerical computations. The relationship between the
conventional capacitance definition, C;; and the short circuit capacitance

deﬁnition, Csij of (12) iS,

Csij = —Ci]‘ fOI‘j 95 1. (15)
Csii =) _Cy (16)
j=1
that is,
n
Cii =Y Csiy (17)
j=1

Now, defining “A” as an active node set, if nodes are assigned to active node
set or inactive node set by following criteria [37]

Vi=V if i€ A (18)
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Vi=0 if i¢ A, (19)

the two terminal capacitance per unit length (easily measured) is defined as
the capacitance between these two subsets. In other words, the two terminal
capacitance (C4-) between all node set € A (active node set) and all node
set y ¢ A (inactive node set) is

Qs
Cir=2_7 (20)
i€A
Then, the short circuit capacitance can be represented in terms of the two
terminal capacitance,

Csii = C%T (2 1)

1 ij . .
s = 5 (0B - Ol - ol ()

Thus, n-coupled conductor capacitances can be readily determined by per-
forming the repeated 2-port network measurements.

2.1.3 Interconnect Inductance (L)

Although the previous RC models are very useful for a simple first order
approximation technique, they may not be accurate enough for modern high-
speed VLSI circuit timing verification since they neglected proximity effects,
skin effects, and silicon substrate effects. These significantly affect the IC
interconnect responses at high frequencies (e.g., propagation delay, rise time,
and fall time). Thus, the RC models are not suitable for such circuits that
require signal transmission bandwidths over 1GHz. In order to maintain a
sharp controlled edge on a clock it will be necessary to have a good model of
the clock components up to 5 ~ 10 times the clock frequency [39]. Thus, the
RC model will not accurately predict clock edge on the IC in the 100MHz
to 200MHz regions and beyond. A rule of thumb relates the bandwidth to
a rise time [40]

0.35

rise

BW =~

(23)

Thus, in order to accurately model the propagation of 100ps transmissions on
the IC, the interconnect models must be accurate to 3.5 GHz. This is clearly
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Figure 2. A typical coplannar interconnect structure.

not the case for the RC model. Thus, in the near future, microwave char-
acterization techniques and complicated distributed circuit models which

include the interconnect inductance may become necessary for high-speed
VLSI circuits.

Unlike the electric field, since the magnetic field penetrates the silicon
substrate, the silicon substrate effect should be taken into account to cal-
culate inductance matrix. The inductance matrix for lossless (or low lossy)
lines is commonly determined by using [41]

[L] = noeo [C] 7. (24)

However, (24) is not accurate enough to be employed for lossy lines. Further,
(24) did not consider the silicon substrate effect. Thus, the inductance
matrix is determined by introducing an effective dielectric constant (a kind
of fitting parameter) which can take both the silicon substrate effect and
lossy effect into account. The effective dielectric constant is determined from
a single transmission line as shown in Figure. 2 and then the value is applied
for the multi-line inductance matrix determination. Shibata and Sano [22]
numerically estimated the magnetic power along the silicon substrate in
the coplanar MIS (metal-insulator-semicondutor) structure and showed that
most of magnetic energy is confined within a depth “d” from the silicon
surface which is given by
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d=2s+w (25)
where “s” is the spacing between the signal line and ground line in a coplanar
structure and “w” is a signal line width (see Figure. 2). Thus, introducing

the result, an empirical inductance formulae of a silicon-based IC intercon-
nect can be used to determine the inductance [16]. It is given by

L=k | (1) 05 (1) - 109
s = Hoo '™ 1\ 0.59w ' 0.59 e

The model (26) shows good agreement with s-parameter-based inductance
measurements within 10% error. The effective dielectric constant, .., can
be easily calculated with a single line capacitance (Cs) and (26) as follows

CSLS
Ho€o
Since the magnetic field penetration depth of the multi-line system is ap-
proximately equal to that of the single line, the effective dielectric constant
can be used for the multi-line system. Thus, the inductance matrix for the
multiple lines can be yielded by

Ereff = (27)

[L] & pototrers [C] (28)

Note, the inductances which consider the silicon substrate effect show much
larger values than those without the effect.

2.2 Interconnect Transmission Line Circuit Model

For the purpose of the timing verification of IC interconnects, ideal ground-
based RC- or RLC-distributed-circuit models for interconnect lines have
been widely employed up to date [3][6][9][14]. However, such models for the
IC interconnects fabricated on a conductive silicon substrate have inherent
limitations without considering the silicon substrate effect and frequency-
variant transmission line characteristics [9]-[12] [19]-[24][26](27}[42]-[46]. How-
ever, their characteristic variations due to the complicated silicon substrate
and the operating frequency make it inherently difficult to understand and
characterize the integral aspect of signal transients on such interconnect
lines [19][24][26]. In fact, the difficulties result from the intrinsic attributes
of the transmission line system. That is, the propagation mode of the fre-
quency components of a pulsed signal on an IC interconnect may changes
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Figure 3. A combined transmission line system composed of a co-planar
structure and a microstrip. There are three current return paths. The
dotted region means the effective ground plane of the silicon substrate.

with the operation frequency and substrate resistivity, thereby making the
system behavior sophisticated [11], [26], [44]. As another attribute of the
system, the parametric variations due to the silicon substrate and current
return path impedance (i.e., the proximity effects) of the combined system
of the co-planar lines and micro-strip line as in IC interconnects make the
system behavior much more complicated. In spite of such difficulties, an IC
interconnect transmission line model considering all these effects becomes
essential for the high-performance VLSI circuit design [11}{20][26][44].

2.2.1 Physical Characteristics of Interconnect Transmission Line

An IC interconnect is a combined system composed of a coplanar structure
and a micro-strip [26]. In order words, the IC interconnect structure has
several ground return paths as shown in Figure. 3. That is, a conductive
silicon substrate acts as a kind of an imperfect ground return path. The IC
interconnect transmission line parameters are inherently frequency-variant
because of the silicon substrate effect, the metal skin effect, and the prox-
imity effect in the current return paths. The signal on the interconnect
line of the MIS (metal-insulator-silicon) structure propagates with one of
the three propagation modes due to a silicon substrate resistivity and an
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operating frequency [19]. Since the conductive silicon substrate does not
act as a perfect ground plane, significant amount of return currents comes
back through the ground metals which are on the same metal layer as the
signal line. Furthermore, over the frequency range of interest, because of the
skin effect and proximity effect, the changes in resistances and inductances
can be substantial [11]. However, although the system is intrinsically very
intricate, its physical phenomena can be fairly simplified if the minor effects
of the system are neglected.

Normalized Voltage [V]

Time {ns]

Figure 4. Unit step responses with the silicon substrate effect and without
the silicon substrate effect. The line width is 2 pm and line length is 8 mm.

The silicon substrate resistivity of today’s IC is not so low as to be the
skin effect mode. Further, since it is not so high as to be the dielectric quasi-
TEM mode, digital signal propagates with the slow wave mode rather than
with the dielectric quasi-TEM mode. Therefore, as modeled by Hasegawa
[19], in the slow wave mode, the transmission line effects of the signal line can
be modeled with an RLC circuit. In the mode, the signal line capacitance is
nearly equal to the oxide capacitance. In contrast, the inductance cannot be
simply modeled as in capacitance. The return currents come back through
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Figure 5. The ideal transmission line model of IC interconnect line with n
cascaded-lumped RLC components.

several current return paths and the considerable amount of the currents is
returned through the co-planar ground lines. That is, most of the magnetic
energy is confined within a vertical distance depending on the geometrical
structure of the system ground path [22]. Thus, all these ground paths
must be taken into account for an accurate circuit model development. In
order to more clearly show the substrate effect, the unit-step responses of the
structure of Figure. 3 with the silicon substrate effect and without the silicon
substrate effect (i.e., the microstrip-like model) are shown in Figure. 4, where
the line width is 2 pum and line length is 8 mm. The differences between the
two are apparent.

2.2.2 Circuit Model with Proximity Effect and Skin Effect

A transmission line with an ideal system ground can be fairly well modeled
with the lumped RLC ladder network as shown in Figure. 5. That is, if
the length of a segmented line is much shorter than the wavelength of the
highest frequency component (e.g., about 10 times smaller than the wave-
length of the clock frequency), the distributed phenomena can be accurately
modeled with the segmented ladder network. For most of the IC intercon-
nect lines, the transmission line effects for a low frequency operation can
be well described with the circuit model of Figure. 5 because the return
path impedances are negligibly small. However, the effective transmission
line parameters are changed with the increase of the operation frequency
due to the skin effect and proximity effect. Thus, the proximity effect and
skin effect must be included in order to accurately model the more practical
physical phenomena, of the transmission line effects. In order to reflect them,
the transmission line of the IC interconnect must be modified as shown in
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Figure 6. The transmission line model with the current return path for the
proximity effect.

Figure 7. The modified transmission line model with the constant model
parameters including both the proximity effect and the skin effect.

Figure 8. The modified transmission line model with the frequency-variant
model parameters including both the skin effect and the proximity effect.
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Figure. 6 and Figure. 7, respectively. Note that the transmission line pa-
rameters of Figure. 7 should be determined by solving the combined circuit
equations for the circuits of Figure. 6 and Figure. 7. The circuit equations
can be established by assuming that the return paths of currents are dom-
inated with the resistances at the low frequency while they are dominated
with the inductive reactances at the high frequency. Then the transmission
line parameters of Figure. 7 become [11]

— Rch dc Rchdc

R and R; = , 29

0 Ly YT Lae— Lyy (29)

L() = th and L1 = ——i, (30)
Lgc — Ly

where Rgc, Lgc, and Lyy are low frequency resistance, low frequency induc-
tance, and high frequency inductance, respectively. The low frequency and
high frequency components are given by

RynaRsi
Ry, = Ry; R = Ry __gna--st 1
dc line + BGND line + Rgnd+2Rsi (3 )
Ranp \ Renp\?
Lic = Dine +2 | G222 ) Lopg + (“E22) 1, 32
dc l (Rgnd gnd Rsi 8 ( )
LyiLond
Lns = Ly _—sv7gna
hf line + Lgnd+2Lsz (33)

Note that Renp = Rg1//Rg2//Rg3, where Ry means the i-th ground path
resistance [47]. Thus, if the circuit model of Figure. 7 is changed into that
of Figure. 8, the circuit model parameters of Figure. 8 which include the
proximity effect and skin effect can be yielded as

_ RoRy (Ry + Ry) + szQL%

R 34

(w) (Ro + R1)® + w2L} (34
LR}

W =lot R TRy s (33)

Note that, in the modified circuit model of Figure. 8, the transmission line
parameters differ from the conventional circuit model parameters of Fig-
ure. 5, although the superficial circuit topology seems to be identical. The
differences between the two models will be discussed in more detail in the
ensuing section concerned with the signal delay model.
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Vi(t)

R, R, R, R,
Vinlt) C _L c, i—JL: Cs% .IV\/C\:?

Figure 9. RC circuit model of IC interconnect.

Va(t)=(1-exp(-t/Ty))

Vi) 4 \
90% k
63.2%
50%
=0 ?I. > TD-SO% i t
D-50%

Figure 10. Schematic description of Elmore delay.

3 Signal Delay Modeling due to Interconnects

3.1 Analytical Delay Models in RC Network

The RC time delay for the circuit of Figure. 9 can be readily estimated with
the Elmore delay model which is widely used as a first order interconnect
timing verification model[4]. Although the Elmore delay model is not accu-
rate for the modern high-speed integrated circuits, it is the simplest delay
model which is very useful for a simple hand-analysis. The step response of
the circuit is schematically shown in Figure. 10 and is given by [49]

Vi () = (1 ~ ezp (-%)) (36)

where Tp is the time that V,, (t) arrives at 63.2% of the final value and is
given by

Tp = Z R; Z C; (37)
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E

(b)

Figure 11. An interconnection circuit model (a) driving circuit with capaci-
tive load and (b) RC circuit model.

Therefore, the 50% delay and 90% delay can be readily determined by [4][5]

Tp_so% = (In2) > R, Y _C; (38)
=1 7=t
n n
Tp—go% = (In10) > " R; > Cj, (39)
=1 j=i

respectively. These two equations are called Elmore delay model.
Although the Elmore delay model is simple, it is based on a single domi-
nant pole approximation. Thus, since it is not accurate enough for the long
transmission line delay estimation, there have been many efforts to improve
the interconnect line delay model [49][3][5]. Among them, Sakurai developed
an accurate improved delay model for the RC network. The normalized volt-
age at the end of the line as shown in Figure. 11 can be expressed in a series
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expanded form (8]

V(l,t) =1+ Z Kke—dkt/RC ~1+ Kle—tflt/RC (40)
k=1
where
(Rrr/R) +(CL/C) + 1
K;=-1.01 41
1 (e[ B) + (1)) + 7/ )
and
.04

o1 = L0 (42)

(Rr+/R) (CL/C) + (Rr+/R) + (C1/C) + (2/m)*
Thus, the 50% delay and 90% delay can be readily determined from (40) by

Tp_s0% = 1.02RC + 2.3 (Rr-Cr + RrC + RCL) (43)

Tp_go = 0.377RC + 0.693 (Ry,CyL, + RrvC + RCL) (44)

These simple delay models are in general more accurate than those of the
Elmore.

Although the aforementioned one pole approximation techniques are sim-
ple as well as eflicient, it has inherent problems since the interconnect cir-
cuits have many poles and zeros. Unlike the previous one-pole-dominant
approximation techniques, multi-pole approximation technique is recently
developed which is named as AWE (Asymptotic Waveform Approximation
or model order reduction technique) [14]. The AWE technique is much more
accurate than the previous one pole model since it takes multiple poles and
zeros of a system into account. The AWE technique determines the poles
and zeros by using the approximated rational function which is fitted with
the original function. Thus, if the origional function varies monotonically
as in RC-time-constant dominant circuits, it is very stable as well as accu-
rate. However, if the L/R time constant of a system dominates the RC-time
constant of the system, the original function cannot be accurately approxi-
mated with the fitted rational function. In such cases, the AWE technique
may have a significant stability problem. Although the stability problems
have been improved, it is an inherent problem of the technique.
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3.2 Analytical Delay Models in RLC Network

Since the RC delay models are not accurate enough to estimate today’s high-
speed VLSI circuit timing verification, novel delay models based on more
accurate RLC network have been developed [9][47]. However, unlike the RC
network, the RLC network have an inherent difficulty in the formation of a
simple closed form model since the RLC models have complicated imaginary
terms. Recently Khang developed a closed form delay model for the RLC
network, assuming two dominant poles of the circuits[9]. However, since it
requires many empirical fitting parameters, it is not a complete analytical
model. Further, the model does not take the skin effect, substrate effect,
and proximity effect into account. An improved RLC circuit delay model
was developed by Jin et al.[47]. The model is based on the accurate RLC
network which is described in the previous section. For the analytical delay
estimation due to a transmission line, an interconnect system function is
approximated with two poles [9]

1
1 + b1s + bys?
with frequency-independent coeflicients, b; and by. The “s” is the Laplace
transform variable. Note that, the coefficients(i.e., by and by) should be
frequency-variant if the proximity effect and skin effect are taken into ac-
count. The frequency-variant coefficients of (45) can be yielded by using the
circuit model of Figure. 8[47],

H (s) (45)

b1 (w) = Rs (Cline + C1) + (% + CL) R, (46)
where
R, = [ROR1 (Ro + Ry) + wZROLg]
(Ro + R1)” + w22
and

in ine Cm Cine
by () = 5 (Cline 1 5, ) g, o Chine (Chie ) 2

2
Lo + L1}220 2 2] )

Cline

+Lg (Cline + CL) + ( + CL)

where Rgs and Lg are the source resistance and source inductance (i.e.,
Zs = Rs; + jwL;) (see the model of Figure. 6 and Figure. 7 for parameter
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Figure 12. Signal transient responses for various test patterns.

definitions). Although the coefficients are frequency-variant, the delay is
mainly concerned with low frequency components while the high-frequency
components are mainly concerned with the spikes of the waveshape. Thus,
with b; (w = 0) and by (w = 0), the 50%- and 90%-delay can be approxi-
mately calculated by using

C RoRl(R0+R1)
bi=Rs(C+C +(——+C’) 48
1 s ( L) 5 L [ (R + B))? (48)
RsC (C ) RyR; (Ro + Rl)
b~ =2 (Z4c
’ 2 \3 " * { (Ro + Ry)?
2
+€(9+0L) RyR, (Ro+f1)
6\ 4 (Ro + Ry)
. C LR?
+Ls(C+C +(—+C) Lo+ ——9 49
s L) 5 +Cr [0 (R0+R1)2} (49)

Then the delay becomes
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( 2b 2 _
Kr—z—bl_ G for b7 —4by >0
Tyetay = § KC\/*Z%%__T,? for b2 —dby <0
| Kq% for b} —4by =0

where K,, K. and K, are given by

1 by
K o=In|— 14—
(2(1_‘/“‘) { b?—"lsz

b
(1 _ Vvth) e'f;;]'iTElmore . (‘ /4()2 —_ b%)

2 b
1+ (———L-——” ) :
\/4by—b?

K, =3.9.

and
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The 50%- and 90%-delay for the model and measurement data are compared
in Figure. 12 and Figure. 13, respectively. As shown in Figure. 12 and
Figure. 13, the signal delays without considering the skin effect, proximity
effect, and silicon substrate effect show large differences with those of the s-
parameter-measurement-based values. Particularly, for the wider lines, the
effects are much more evident. Thus, the model without the effects cannot be
accepted for today’s high-performance VLSI circuit timing verification any
more. In contrast, the signal delays using the modified transmission line
model (i.e., the model of Figure. 8 which includes the skin-effect, proximity
effect, and the silicon substrate effect show much more excellent agreements
with the s-parameter-measurement-based signal transient data which will
be discussed in the next section in more detail.

3.3 S-Parameter-Based Signal Transient Characterization

As the circuit speed dramatically increases, the today’s VLSI circuit de-
sign necessarily requires experimental verification of the models. The s-
parameter measurement technique is extremely stable as well as accurate
up to a very high-frequency. Moreover, it is very easy as well as accurate to
de-embed the pad parasitic for on-wafer characterizations. In this section,
time-domain signal-transient characterization technique of an IC intercon-
nect with s-parameters is introduced[80]. The transmission line character-
istics of an IC interconnect line can be mathematically formulated with the
Telegrapher’s equations which are differential equations. The solutions of
the equations in terms of voltage and current in the frequency domain are

V (z,w) = Vae T 4 yper(W)s (54)
and
1
- —-Y(w)z _ Y(w)z
I(z,0) = 5 ® (VAe Vge ) , (55)

where 7 (w) is the propagation constant and Z¢ (w) is the characteristic
impedance. The coefficients V4, Vg, I4, and Ig can be determined with
boundary conditions. The 7 (w) and Z¢ (w) can be represented with the
PUL(per-unit-length)-transmission line parameters as

Y (W) = /(R + jwL) (G + jwC), (56)

and
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Figure 14. Interconnect system in terms of s-parameters.

Zc () = /(R + jwL)/(G + jwC), (57)

respectively. Hence, the accurate transmission line parameter determination
is substantially important. However, regardless of process variations and
non-ideal characteristics of them, it is very difficult to accurately determine
them since they are all functions of frequency. The difficulties in the char-
acterization of the IC interconnect on SiO,-Si substrate are primarily con-
cerned with the complicated silicon substrate effect and frequency-variant
transmission line parameters. Instead of using the frequency-variant RLCG
parameters, an interconnect system is newly defined in terms of measured
s-parameters as shown in Figure. 14. Since the s-parameters can comprise
of all the parametric variations concerned with the IC interconnect in a
broad frequency band, aforementioned problems can be overcome, thereby
investigating the accurate system characteristics. The interconnect system
function can be mathematically formulated from (54) and (55) with bound-
ary conditions in the frequency domain as

_ Z¢c(w)  ezp(—v(w)l) +pr (w) ezp(~7 (w))
H) = o+ 2@ 1-pe@m@em (27D O
where the reflection coefficients are defined as
oG (UJ) = Zg ((d) - Z¢ (UJ) (59)

Za (w) + Z¢ (w)

and
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() = 71 (w) = Z¢ (w)
PLAO)=Z (@) + Zo ()

The impedances Z¢g (w) and Zj, (w) are denoted as the input source impedance
and output load impedance, respectively. The parameter [ in (58) denotes
the line length. Thus, once H (w) is determined, the frequency-domain re-
sponse V, (w) of the interconnect line can be simply formulated with

(60)

Vo (w) =Vi(w) H (w), (61)

where V; (w) is the input signal. The transmission line parameters are given
in terms of s-parameters by [24]

-1

~v(w)l 1-Sh+ 85+ \/(S%l — 83 +1)° ~ (251)
e T = (62)
and
2 __ Q2
22 () = 220250 = 5 (63)

(1-5n)" -84
where Z, denotes the reference impedance of the s-parameter measurement
system. Thus (58) can be characterized in the frequency domain once the
s-parameters are acquired. Note that all the s-parameters are functions
of frequency. That is, S;; = S;j (w). Thus, the measured s-parameters
implicitly include all the frequency-variant transmission line characteristics.
Since the s-parameter-based system function is of discrete value at each
measurement point, the transfer function between the measured frequency
points can be approximately interpolated as

H (w;) — H (wi)

wj—wi

H(w <w<wj)= w+ B for w;<wj, (64)
where w; and w; are the i-th and j-th measurement frequency points. The
constant B in (64) can be determined as
H (w;) — H (w;
B=H (w) - (w;) (“")wj. (65)

wj — W

In addition, since the s-parameter data are acquired at finite frequency
points (e.g., usually 200 measurement points) that are within a finite fre-
quency band (usually 50MHz to 20GHz), the low frequency data below
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50MHz and the high frequency data above 20GHz are extrapolated from the
measured data. Finally, in order to completely characterize the frequency
domain response of (61), the input function should also be formulated in the
frequency domain. The input pulse of V; (w) with both rise time (¢,) and
fall time (¢¢) can be mathematically formulated in the frequency domain as
n-delayed step pulses as [48]

Vi(w) = i %tfsinc (thf) ecp (—%) erp (—M) , (66)

k=1 n

where A is the magnitude of the pulse. Thus, combining (62) to (66), the
frequency domain response can be represented with the s-parameters. As a
result, the time domain response v, (t) of (61) can be directly yielded by the
inverse transform of (61) into the time domain. That is, without the trans-
mission line parameter extraction step, the time-domain signal transients
can be directly determined.

The s-parameter-measurement-based output responses for different line
widths are compared with the constant RC- and RLC-measurement-based
SPICE simulation in Figure. 15. The s-parameter-based signal responses
show much faster rise time than those of the RC- or RLC-based data.
Moreover, their waveshapes are considerably different from the s-parameter-
based signal transients. In many critical paths such as in clock distribution
networks, thick and wide lines are used to reduce line resistance. This is
primarily because the resistance has a more dominant influence upon the
signal delay than the capacitance. However, such a simple design scheme
may result in a catastrophic design failure since the inductance effect of
the low resistive line is crucial. The large ringing (i.e., oscillation) due to
the inductance results in a large setting time delay. Obviously, the inter-
connect models without the experimental characterization-based verification
may not be exact enough to meet the timing budget as well as noise margin
concerned with today’s high-performance VLSI circuits or next generation
VLSI circuits.

3.4 Further Consideration of Interconnect Delay Models

3.4.1 1IC Interconnect Parameter Variations

In today’s silicon-based VLSI circuits, the signal propagation on intercon-
nects on standard IC substrates exhibits a slow wave mode at low frequen-
cies. However, it exhibits a quasi-TEM mode as frequency is increased
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Figure 15. Signal transient responses at 8mm long line for the step input
signal. Note that “w/ sub” means “considering the silicon substrate effect”
and “w/o sub” means “without considering the silicon substrate effect”.
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[19]. The strong interfacial polarization due to the mobile charges within
the silicon substrate occurs in the slow wave mode. Due to the interfacial
polarization, the electric field cannot penetrate the silicon substrate at low
frequencies. That is, the mobile charges in the interface between the oxide
layer and the silicon layer can screen out the electric field. In contrast, there
exist strong magnetic flux linkages due to the interfacial charge variations
within the silicon substrate. This physical phenomenon can be interpreted
in terms of the magnetic field penetration. That is, the magnetic field can
penetrate both the oxide layer and silicon substrate. Therefore, the inter-
linked magnetic flux due to interfacial polarization charge variations in the
silicon substrate must be included for the inductance determination. In ad-
dition, the capacitance at low frequency becomes effectively reduced at high
frequency since the propagation mode changes from the slow wave mode
to the dielectric-quasi-TEM mode [19]. The resistance is increased as the
frequency increases due to the skin effect [16][27]. The conductance is in-
creased since the dielectric loss in the silicon substrate is increased as the
frequency increases [16][27]. Consequently, all the transmission line parame-
ters are fundamentally frequency-variant. However, since all the parametric
variations of the transmission line with the frequency and silicon substrate
characteristics are complicatedly entangled, the signal variations on the in-
terconnect line cannot be simply described. The s-parameter-based signal
transients can implicitly include all these parametric variations. Whereas
the constant RC- or RLC-model do not accurately reflect these physical
phenomena.

3.4.2 Signal Delays and Distortions due to Inductance

The RC delay for the circuit of Figure. 9 can be readily estimated with the
Elmore delay model which is widely used as a first order interconnect timing
verification model [4][5]. The signal delays for different line width are shown
in Figure. 9 by varying the line width. The signal delay of RC model for
the 10um width line approximately shows the difference of 100ps using the
s-parameter-based method. However, even for a large resistive line (i.e., no
oscillation case), the RC-model does not accurately estimate the high-speed
signal delay. The RLC-model of Figure. 8 more accurately estimate the
delay than the RC-model. Nonetheless, the signal transient waveshapes of
both RC- and RLC-model do not agree with those of the s-parameter-based
signal transients. Even with the measured RLC values, is it not adequate
enough to accurately estimate the signal integrity of the interconnect line.



220

50% Delay [ns]

90% Delay [ns]

Width [ nm]

(a) 50%delay

Width [ nm]

(b) 90%delay

Figure 16. Signal delay for the test patterns.

Y. Eo



Modeling and Characterization of IC Interconnects and Packagings... 221

Rising Time [ns]

Width [ nm]

Figure 17. Region that the inductance effect is significant with the rise time
and line width(the shaded regin).

Although the RLC-based signal transient characterization is much better
than the RC-based one from the delay point of view, the RLC-based signal
integrity verification may still lead to serious problems.

From the signal integrity point of view, the range of the line length in
which inductance effects are significant in digital circuits can be approxi-
mately determined by combining transmission line characteristics with the
lumped RLC circuit model as [12]

2 /L
2\/___<l< \/; (67)

That is, if the rise time of a pulse is small enough to meet

b <4 (-}%) (68)

the circuit shows oscillation, i.e., ringing phenomenon. For example, if a
0.8cm line with 10 pm width have about L=7nH and R=301Q, ¢, should
be greater than 0.93nsec. Otherwise, the inductance may have a significant
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Figure 18. Ringing phenomena with different rise times.
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Figure 19. Region that the inductance effect is significant with rise time and
line width. The inductance effect is significant below the lines.
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effect on the circuit oscillation. Therefore, combining (26) with (68), the
region in which the inductance effect is significant can be drawn in terms of
the rise time and line width. However, it is noteworthy that (68) underesti-
mates the effect by about 40% as shown in Figure. 3.10 and Figure. 3.11.
In fact, this is because (67) is based on the lumped RLC circuit model. In
the distributed transmission line circuits, RC time constant is about half of
the lumped RC time constant. Thus (67) should be modified as

ty 3.36 /L
<l < —\/=- 69
2VLC R \VC (69)
Accordingly, (67) becomes
L
t, <673 = ). 70
c <613 () (10)

This is very close to the s-parameter-based signal transient responses
as shown in Figure. 17. Further, using (26) and (70), the region in which
inductance effect is significant can be represented with a line length and
a rise time as shown in Figure. 19. Clearly, the inductance effect is much
more serious when both line resistance and switching time is small as shown
in Figure. 19. This means that future interconnect lines such as a copper
interconnect line and high aspect ratio (¢/w) line may lead to a more serious
problem than today’s interconnect lines. Further, as the interconnect lines
are multi-layered, the shielding effects between neighboring lines makes the
problem more complicated [47).

4 Crosstalk Noise Modeling of IC Interconnects

4.1 Introduction to the Crosstalk Noise

Today’s high performance VLSI processes integrate more than several mil-
lion transistors in an IC using deep submicron lithography. Increased chip
size as large as 2 cm by 2 cm or more is being realized. These circuits are
switching in less than a nano-second, which means both device and para-
sitics have several GHz bandwidth. Such technologies will keep improving
in the future. Thus, the chip size and density keep increasing and the mini-
mum feature size continues to decrease. In such high-speed and high-density
VLSI circuits, crosstalk noise is one of the significant problems. This noise is
due to electromagnetic coupling between interconnect lines[50][51]. In gen-
eral, crosstalk noise has been accurately modeled by using the transmission
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line theory [52]-[54] which can readily formulate the inductive, resistive, and
conductive as well as capacitive coupling. While the model is very accurate,
not only does it require an impractical amount of simulation time but also
the direct mathematical analysis of coupled interconnect lines is exceedingly
difficult. Therefore, most large scale IC CAD tools can not support such
distributed circuit models. In order to improve the accuracy of CAD tools
such as router or timing verification tools, a simple but accurate closed-form
model for the crosstalk noise should be included within them since the ana-
log simulation CAD tools are too slow for million transistor circuit analysis.
Thus, lossless capacitive coupling is the standard as well as simple way of
modeling multi-conductor interconnect coupling in the various CAD tools
for the signal integrity verification.

4.2 Crosstalk Noise Model in Two RC-Coupled Lines

In the CMOS on-chip crosstalk noise analysis, dielectric loss (G) and induc-
tance (L) can be neglected in the first order approximation although the in-
ductance can not always be neglected [24]. The impedance conditions (i.e.,
source impedance R;, the line resistance Ry, and load impedance, Zp)
have a substantial influence on the crosstalk noise. If Ry;,. > 2R,, the in-
ductance effect can be neglected within 10% error. However, if Ry >> Rjine
and Ryne >> Z1, the inductive coupling noise cannot be neglected and may
become significant. However, this is not the case for the most of practical
CMOS circuits because a driver resistance is not so large and a receiver is a
capacitive load which has a large impedance. Thus the inductive coupling
noise in CMOS circuits can be neglected as a first order approximation.
Then, the circuit can be modeled as

V2 (z,t) _ RCaV (z,t)'
dz? ot

In the multi-conductor system, the signals and parameters can be pre-
sented in matrix form. In many papers [17][55]-[57], the equations were rigor-
ously solved for two coupled lines. These solutions are very accurate because
they are based on rigorous physical and mathematical analysis. However,
for the techniques, time-consuming inverse Fourier transforms or convolu-
tion integrals are necessarily required to predict the time-domain responses
since the solution equations are frequency-domain functions or time-domain
convolution integrals. Moreover, they require many other computations and
matrix manipulations. Hence, these approaches cannot simulate intercon-
nect lines for the complicated circuit designs with thousands of transmission

(71)
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Figure 20. Schematic circuits composed of CMOS inverters and intercon-
nects. The driving ports are modeled as resistance and the driven ports are
modeled as capacitances, respectively.

lines and multiple interconnect layers. A simple but accurate model is re-
quired for such complicated VLSI circuit design.

The most basic building block in CMOS circuits is the inverter. A more
complicated circuit analysis can be achieved by modifying the inverter cir-
cuits. Although the inverter circuits are a combination of non-linear devices,
an inverter can be approximately modeled as a resistance in the driving
stage of interconnect and a capacitance in its driven stage as shown in Fig-
ure. 20 [58]. The resistance for a moderate size inverter (W /L >> 1) ranges
between 402 and 400€2. Under such assumption, Sakurai derived a good
interconnect crosstalk model [3]. He modeled the transmission line as an
RC network and presented its step response as a power series [4]. Since the
series is too complicated to be analytically solved, he used a first order ap-
proximation and then extended the simple expression to two coupled lines.
That is, solving the wave equations which govern two capacitively coupled
RC lines, Sakurai derived the crosstalk model in a closed form. The model
is given by
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Figure 21. Physical coupling mechanism through the distributed RC network
of coupled lines.
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The K and o are equal to (41) and (42) of the section 3. This model is
good for its intended applications such as two lines and high input impedance
gates. However, it overestimates or underestimates the amount of crosstalk
signal for more general structures. Moreover, there is a need to extend the
model to more than two coupled lines.

4.3 General Crosstalk Noise Model in RC-Coupled Lines
4.3.1 Effective Capacitance and Effective Resistance

The amount of crosstalk at the quiet line is strongly influenced by the termi-
nation conditions and transmission line parameters. A capacitive coupling
current at the quiet line is divided into two parts (forward current wave
and backward current wave) as shown in Figure. 21. Then these waves are
reflected whenever the impedance is changed (i.e., at the driver and at the
receiver) and their directions are reversed. When the noise pulse arrives
at the far end, it approximately doubles because of the high impedance
capacitance (Rjn. << Zr). A large amount of the backward crosstalk
(near end crosstalk) is reflected from the near end to the far end because
of Ry << Ryjn and adds up with the forward corsstalk. For a long line
(in which a rise time(tyise) is less than the round trip delay(¢geiqy) of the
wave), the near end crosstalk voltage is independent of the line length but
depends on the input driving voltage. In contrast, the far end crosstalk is
proportional to the slope of driving signal and the length of the coupled
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Figure 22. Step response of lumped and distributed interconnect models.
The Elmore model shows good approximation of distribution model.

line. Thus, the longer the line length, the bigger the forward noise (far-end)
buildup. Furthermore, far-end crosstalk has the wider noise signal than that
of the near end while the near end crosstalk noise is a sharp spike. Thus,
the worst-case crosstalk noise for practical CMOS circuit interconnects is
considered to be generated at the far end. In addition, although signal cou-
pling is due mainly to the coupling capacitance, other parameters such as
the self-capacitance and self-resistance of the interconnect lines are strongly
related to signal propagation speed, risetime, and signal coupling. Thus, the
effective self-resistance and self-capacitance must be reconsidered. A simple
lumped interconnect model does not match the transmission characteristics
of long length of integrated circuit interconnects. In fact, the distributed
model for signal propagation on single transmission line shows much a faster
risetime than that of the lumped model. This can be shown in the SPICE
simulation in Figure. 22. The distributed model shows a more rapid charg-
ing or discharging than the lumped model. The distributed model has a
shorter time constant than that of the simple lumped model.

In the distributed circuits of the single line, the time delay is not a closed-
form solution but it is bounded (even for the uniform RC interconnects).
Nonetheless, in order to take the distributed transmission line effect of the
interconnect line into account, Wyatt gives the approximated step response
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as follows [5][49]

VN (t) = Vag (1 — exp (~t/Tp_gist)) (73)

where the Tp_gist 18 not a lumped-line time constant but a distributed-line
time constant. The Tp_gs¢’s first order approximation is an Elmore time
constant [4] which is a dominant pole approximation for an RC network.
The Elmore time constant (Tgjmore) of an N-segment interconnect line is
given by

N N
TEimore = Tp_dist = Z R; Z Cj = R;C;

1=1 j=t

N(N+1)

5 (74)

where R; and Cj; are the line self-resistance and line self-capacitance of a
segment, respectively. Thus, the distributed RC-interconnect time constant
(Tp—_gsst) for a long line is totally different from the lumped RC-interconnect
time constant (Tp_jymp = (RjN) (C;N) = RC). In general, the distributed
phenomena of the RC network can be well described by 10-segment model
in both a phase and a magnitude (i.e., N = 10) [1]. Since the crosstalk
voltage is a strong function of the self-capacitance and self-resistance, the
lumped interconnect model parameters can be modified by using the Elmore
time constant which can model fairly well the distributed phenomena of the
RC line. That is, assuming the contribution to the system delay of the
interconnect self-resistance and self-capacitance is identical and N is greater
than 10, (74) can be represented by

a0 2D (B () (2 (). 0o

Thus, the effective self-resistance and self-capacitance of the distributed
transmission line are considered as

R C
Reff = \/—§ and Ceff = E (76)
That is, in (76), Ress and Cepy can be regarded as the effective lumped
values that model the distributed transmission line.

4.3.2 Generalized Crosstalk Model Using R.;; and C;

Including the previously derived effective interconnect resistance and capac-
itance, the lumped equivalent-network becomes Figure. 23. For the time
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Figure 23. Coupled interconnect model wih an effective transmission line.
The resistance and capacitance are grouped for the analysis with the effective
transmission line parameter.

being, we assume the symmetrical structure with the identical input resis-
tances of R = R; = Ry and identical output loads of C = Cy = Cy. The
general model will be derived later. Then, solving the network equations un-
der symmetrical conditions, the modeled crosstalk of the two coupled lines
with effective transmission parameters will yield

= e |- :
Vatalk (8) = 3 [emp ( (Bo+£) (26m+ G+ CL))

t
—lezn | -

e
where Ry, R, Cp,, C, and C}, are a driver resistance, an interconnect self-
resistance, a coupling capacitance, an interconnect self-capacitance, and a
load capacitance, respectively. If the signal path is very short, its crosstalk
is not dominated by interconnect lines but by gate performances. For the
short lines, the effective resistance and capacitance become meaningless and
the transistor should be more accurately modeled considering its threshold
voltage [49]. However, for such short lines, nobody is interested in crosstalk.

(77)
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In contrast, for moderate length transmission lines or the long transmission
lines such as more important critical path analysis, interconnect effects will
dominate the total switching response.

The previous model can be readily extended to multiple line interconnect
structures. In the multiple lines, the resistances of the interconnects are
approximately equal to those of the single line if their cross sections are
identical. However, the multiple line self-capacitances are not as simple as
a single line. Although their cross sectional structures are exactly identical,
the center line self-capacitance and outer line self-capacitance are not equal
because of different electric field distributions. Moreover, the center line
acts as shielding material for the outer line coupling. This new model is
always efficient even if the capacitance is not symmetrical. Although the
physical configurations and their terminations are different, the model can be
modified for such structures. In order to derive a general model, we consider
the i-th and j-th line of multiple coupled lines where the self-capacitances
and load capacitances of i-th line and j-th line are not equal to each other,
ie.,

Ciz' # Cj]‘ and CLz # CL]'. (78)
Letting the effective self-capacitances with load capacitance be
Co=E 0y C=4Cy mdCu=Cy  (19)

V2 V2

and letting the effective self-resistance with transistor on-resistance be

Rii Rj;
R, = \/§-+ Ry—; and Ry = 7% + Ryy—j. (80)

The crosstalk voltage Viaik (t) for the s-th and j-th line can be derived as
follows

Varat () = £ eap (~f3) ~ eap (~at)] ®1)
€q

where the parameters are

2
ceq:\/(%yn) (cz+cm)2+(cy+cm)2+2(%§)((cm)2—cxcy—cmcm—cycm) (82)

b+ Vb2 —4a b—Vb% —4a

a=—— and (=

2a 2a (83)
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Voitage(V)

Time(ns)

(a) 1 mm long line

Voltage(V)

Time(ns)

(b) 1 cm long line

Figure 24. Two coupled line crosstalk simulation with HSPICE and inter-
connect model (3]. (C;c = 0.4pF/cm, Cyep = 0.87TpF [cm, Rg = 50mQ/O).
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a = RyRy (C;Cy + CyCp + CyChy) (84)

and

b= Ry (Cy +Cn)+ Ry (Cy + Cpa) . (85)

However, if the driver resistances of the i-th and j-th line are equal to each
other (i.e., R = Ry = Ry) and C; = Cy (i.e., symmetrical structure), the
expression reduces to the simpler expression of (77). In general, for the
multiple lines, the superposition principle can be applied to the multiple
sources. Thus, if the i-th line has signal source and j-th line is victim line,
all the parameters of i-th and j-th line are presented with superscripts as

Aj = Ci/Cl,. Then

Vggtalk (t) = Ajlexp (—B;t) — exp (—ajt)]. (86)

Hence, the total crosstalk voltage with k-independent signal sources for n-
multiple line systems becomes [78],

k
Vit (t) Z lezp (=Bt) — eap (—at)). (87)

The above (87) can be a;pplied to general multiple lines and multiple source
interconnect systems.

4.3.3 Simulation Examples with the Model

For a transmission line modeled as an RC network, a 10 segment RC-ladder
network can be accurate in both magnitude and phase [1]. Thus, the previ-
ous model has been compared with a 10 segment RC-ladder SPICE model.
Note, the analytic model has been derived under the assumption that input
excitation is the unit step function. Intuitively, the sharper risetime induces
more signal coupling and crosstalk. For the simulation and verification of
the model, i.e., expression (87), triple transmission lines are defined as a
test circuit. Triple interconnect lines are the most widely used test circuits
to predict circuit failures due to crossstalk. Although the model (87) can
be applied to heterogeneous structures, we assume that all the line struc-
tures have identical conductors in order to compare with other models. The
triple lines with the same layout width and length are shown in Figure. 25.
The capacitance parameters are calculated by using MEDICI[81] for lines
that are lcm long. Transistor resistances are assumed as 82.7Q and load
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Metal

/ / / interconnect

1um
D
- el -
Oxide 1um
P-Type
350um (1 E1 5)
y
100um

(a) Cross section of the triple coupled lines

Vitaik
. 1/
YW T . 1
Rtr R11 :‘r—_ (_';12 C11 j]_: j:CU
v e ~
L R"— R22 :}—_023 C13 :_ECZZ :_ECLZ
— W —1 _J._
Re Rss i:caa j_: Cis
Vin

(b) Circuit model

Figure 25. Equivalent circuit model of triple-coupled lines for model verifi-
cation. The far end of the center line is the test point for the crosstalk.
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Items SPICE Model Y%Error
Interconnect structures icm Smm icm Smm | 1cm | 5mm
Normal triple 0.131 0.118 0.138 0.129 | +5.3 | +9.3
Thick triple 0.339 0.311 0.359 0.341 | +59 | +9.6
Narrow triple 0.401 0.365 0.416 0.395 | +3.7 | +8.2
5 line as 3" line victime 0.276 0.247 0.290 0.269 | +5.1 | +8.9
5 line as 2™ line victime 0.254 0.230 0.270 0.252 | +6.3 | +9.6

Table 1. % error comparison of model with SPICE simulation.

capacitances are simply modeled as the gate capacitance of 76 fF. For the
structure, the sheet resistance of the metal is assumed as Rg = 50mQ /DO
and triple line capacitances[pF'/cm] are as follows

0.850 0.400 0.453E —3
[C] = | 0.400 0.623 0.400
0.453E — 3 0.400 0.850

The on-diagonal elements represent the self-capacitance of each line, Ci.
The off-diagonal elements show the coupling capacitance between each lines,
Cji. Using these example values, the model(87) and SPICE show an excel-
lent agreement as shown in Figure. 26. That is, the model is within 10% error
of the SPICE simulation in the worst case. Moreover, unlike other models,
the model never underestimates the response value. Therefore, there are
no catastrophic failures due to the underestimation. The metal aspect ra-
tio controls the interconnect resistance. Currently, the aspect ratio of the
advance process technologies is larger than 1.22 [59]. For the case of the as-
pect ratio=2, SPICE simulation and the model shows very good agreement
as summarized in Table 1 (thick triple). Furthermore, if the line spac-
ing is a half of Figure. 25 and the line thickness is the same, the coupling
capacitance becomes much larger than the self-capacitance. Even for this
case, the model and SPICE simulation show good agreements as shown in
Table 1 (narrow triple). In another example of the more general 5 line struc-
tures, the physical line dimensions and spaces are identical to the triple line
structure of Figure. 26 However, the electrical field distribution around the
interconnects are different from the triple line structure and the capacitance
matrix for the 5-line structure[pF/cm] is
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Voltage(V)

Time(ns)

Figure 26. Crosstalk simulation for triple lines with two signal sources. The
new model for triple interconnect lines show good agreements with HSPICE.
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1.100 0.410 0.416E—3 0.166E—5 0.654E —8
0.410 0.631 0.400 0.420E -3 0.166E —5
[C]=| 0416E—3 0400 0.630 0.400 0.416E — 3
0.166E —5 0.420E—3 0.400 0.631 0.410
0.654E —8 0.166E—5 0.416E—3 0.410 1.100

As we can see in the above capacitance matrix, the outer line self-capacitance
and coupling capacitance are different from those of the inner lines. Thus,
their crosstalk noise is clearly different from the triple lines. Moreover, since
the different switching scenarios of input line sources may cause different
crosstalk phenomena, each switching scenario must be investigated. The
first case, the 37¢ line (center line) is the victim line and all other lines
are switching. The equivalent circuits are shown in Figure. 27(a) and the
signal transition of input sources is shown in Figure. 27(b). Note, because
of the shielding effects the lines within the dotted box in Figure. 27(a) have
a dominant effect on the crosstalk. The model and SPICE simulation for
different lengths are compared with undergoing several switching scenarios.
SPICE simulation shows the worst case crosstalk is the case.A.1. As a
second example for the same structures, the 2" line is victim line and all
other lines are switching as culprit lines shown in Figure. 28. The worst
case crosstalk is the case_.B_1 where all the lines except line 2 go from logic
0 to logic 1. For the simulation of different switching scenarios, SPICE
simulation and crosstalk model are shown in Table 1. In summary, the other
combinations of the switching scenarios have agreement that is identical to
these two special cases. Thus the model can accurately estimate the crosstalk
for general multi-line systems.

5 Simultaneous Switching Noise Modeling due to
IC Packaging

5.1 Introduction to the IC Package Noise

With the rapid improvement of semiconductor process technologies and cir-
cuit performances, today’s VLSI system of several GHz clock bandwidth
needs improved package design methodologies [50][51][61]. In such high-
performance VLSI circuits, the most critical bottleneck due to the IC pack-
age is the reference potential fluctuation during circuit switching, i.e., si-
multaneous switching noise (SSN) [62]-[68]. Particularly, the SSN results in
serious performance degradation and system failures due to the reduction of
noise margin, the increase in the effective signal delay, glitches, and signal
distortion. Since the noise is proportional to the number of switching gates
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(a) Equivalent circuits for 5-line structure
with the 3" line victim

Caso~~mPUt | vint | Vin2 | Vin3 | Vind4 | Vin5
Case A 1 0—1 0—=1 0 0—1 0—>1
Case A 2 0 0—>1 0 0—1 0—1
Case A 3 0—>1 0—1 0 0—1 0
Case A 4 0 0—1 0 0—1 0

(b) Table for different swiching scenarios
s
-]
S

Time(ns)

(c) Model and SPICE for 1 cm long lines

Figure 27. Model and SPICE simulation for 5 line structures; The 37¢ line
victim with different switching scenarios.
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(a) Equivalent circuits for 5-line structure
with the 2 line victim

(b) Table for different swiching scenarios

Voitage(V)

Time(ns)

(c) Model and SPICE for 1 c¢m long lines

Figure 28. Model and SPICE simulation for 5 line structures; The 27 line
victim with different switching scenarios.
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and the many package design parameters, circuit designers must take these
packaging effects into account at the early phase of circuit design. Although
there are many other problems concerned with IC packages, the SSN noise
is here discussed since it is the most significant problem.

Many package design methodologies concerned with simultaneous switch-
ing noise (SSN) models have been developed [69]-[74]. Vaydianath et al.
derived a good SSN model based on the long-channel MOS-transistor ap-
proximation that considered the negative feedback due to the voltage across
the inductor [62]. Since the model was based on the long-channel approx-
imation, their model could not fully predict the SSN for sub-micron-based
circuits. The simple long-channel approximation clearly overestimates the
SSN noise because the model predicts much more current variation than is
presented in short channel devices. Unlike the long-channel model of [62],
Vemuru [63] modeled the SSN based on Sakurai’s alpha-power model (i.e.,
linear power law) [75] and similarly, Yang et al. also modeled the SSN by em-
ploying the similar linear power law of sub-micron-device drain current [72].
However, although they take the velocity saturation effects of sub-micron
devices into account, the model did not consider the physical behaviors of
transistor, inductance, and capacitance as a system. Particularly, the out-
put load capacitor strongly affects the noise oscillation frequency, which is
also a function of the current slew rate. Therefore a more rigorous physical
interpretation of the transistor operation regions is necessary to estimate
the accurate SSN and to design the advanced packaging. In this section,
fundamental theory concerned with package noise is presented. Then a sim-
ple but accurate SSN model is introduced, followed by the package design
meghodologies.

5.2 Circuit Component Effect Concerned with SSN

NMOS transistors are concerned with the discharging path of CMOS gates.
Thus, the SSN in the ground path of CMOS circuits is closely related to
the NMOS transistor operation mode. A MOS device experiences 3 opera-
tion regions during the switching: i.e., cut-off, saturation, and linear region
(non-saturation region). Thus, the transistor output current is not constant
during the whole transition of input gate signal. In the CMOS inverter
circuit as shown in Figure. 29, the saturation time of the transistor is a
function of device parameters and output load capacitance. Thus, without
considering both the package inductance and capacitance, the overly simple
saturation current modeling may result in an erroneous estimate of SSN.
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(b)
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Figure 29. Signal transients in the input and output of a CMOS inverter
(a)circuit diagram (b)signal transients of input ramp and output response

(c)current flow through the NMOS device.
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(b)

Figure 30. Equivalent swiching circuit model for the discharging path with
a package(ground)inductance.

The current flow mechanism, including both inductance and transistor,
can be approximately quantitatively described by modeling the transistor as
a resistance. The CMOS inverter circuit is shown in Figure. 30(a). Modeling
the NMOS device as a simple resistance during the transition, an equivalent
circuit for a discharging path becomes an RLC circuit as shown in Fig-
ure. 30(b). In order to determine the current slew rate, the current must be
found as a function of time. Then the time, ¢,,4;that the maximum current
flows, can be evaluated. The current in such RLC circuits can be readily
determined as follows [76][77]

Ip(t) = —V—QQ———l—————e_atsin (\/ w? ~ a2t) (88)

L, Vo? —a?
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where
! and a= i
L,Cy - 2L,

where Ry is a linearized transistor resistance model. However, in more
detail, the solution of the current Ip (t) is divided into three special cases
depending upon transistor resistance, package inductance, and load capaci-
tance. Now defining a critical resistance as

— LP
Rer =24/ o (89)

the solution may result in one of three cases, the over-damped case, the
critically-damped one, or under-damped one. Since the Ip (t) may have
different forms for these three cases, the t,,,, must be determined separately
for each case. That is, the time that makes the time derivative of each
current equation be zero must be calculated.

Over-Damped Case (Ri > Rer ) -

W=

Voo —at -
I, (t) = —==——e€"%sinh (Va? — w2t 90
)= ( ) (90)
Then the time that maximum current flows can be determined by the first
derivative of (90) as follows

: _ 1 In a+Va? - w? (91)
maxr—a a2 — w2 o — \/m s
Critical-Damped Case (Ry = Rey) -
\%
I (¢) = 22¢emwt | (92)
Ly
Thus the maximum current flows at the time of
1
tmaz—b = ;}‘ = LpCL~ (93)

Under-Damped Case (Ri < Rer) :

— Vop —at oo (/2 2
IC (t) = me szn( we — o t) . (94)

Similarly the maximum current flows at the time of

)

tmaz—c = .
2 — o2
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Therefore, the time that the maximum current flows is a complicated func-
tion of load capacitance, ground line package inductance, and device parame-
ters. It is noteworthy that many of submicron-technology-based I/O drivers
may have smaller resistance than R... Thus, in many cases, the ground
path current is dominated by the under-damped case which is oscillating
[77]. The time that sinusoidal current reaches the first instantaneous peak
value with reasonable parameters is usually very short in all three cases,
but it is a strong function of the load capacitance. If the under-damped
ground path current has more than one sinusoidal peak value during the
input transition time (i.e., input rise time), during the oscillation there may
be a much larger current slew rate between the positive peak and the neg-
ative peak current. This large slew rate between the peak-to-peak currents
results in a significantly larger SSN. This is a very important fact because
the SSN due to the large peak-to-peak current slew rate may be more than
twice those of [63][72] which simply assume that the ground current always
has only one sinusoidal peak during the input transition time.

5.3 SSN Model due to the Package

The discharging current of the transistor is dependent on its operation mode,
package inductance, and the load capacitance. The transistor current flow
due to the transients of the input and output signal is schematically shown
in Figure. 31. The ¢, is defined as a time that an input ramp transits from 0
to Vpp and the tr is defined as a time that the input ramp transits from 0
to NMOS transistor threshold voltage V;,. The current flow mechanism of
NMOS transistor can be qualitatively explained as follows. At the region 1 to
2, the current does not flow because the NMOS transistor does not operates
until Vgs (t) > Vip. Therefore, V,y; (t) will stay nearly at a constant value
rather than it changing. In contrast, Vgg (t) still goes up toward Vpp.
Next, 2 to 3 transition is dominated by both transistor current and inductor
voltage. Thus, there are many possible current paths as shown in Figure. 31.
As mentioned, the current may not be uniformly changing during the transit
time in this region. That is, the current slew rate near region 3 is larger
than that near the region 2 because the amplifier (i.e., the inverter) has
the largest voltage gain near the switching threshold voltage. Because of
this fact, it cannot be simply assumed that the maximum current slew rate
is equal to an average slew rate between tr and ¢,. In the next region,
that is, the 3 to 4 transition, the linear region where the transit time is
not as fast as the saturation region. Note, however, because of the package
inductance and load capacitance, the ground path current may oscillate.
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Figure 31. Schematic output current flow during the input and output volt-
age transients.
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Figure 32. Schematic diagram of input signal transient and the oscillating
currents of RLC circuit(/rrc) and NMOS device switching current(1;).

If the ground path current oscillates, there may be many occasions where
the current varies rapidly within a very short time as shown in Figure. 32.
This results in a large current slew rate, even if the transistor is in the
linear operation region. For the SSN analysis, all these effects are taken into
account. Further, today’s sub-micron device drain current is not dominated
by the conventional long-channel-based square power but by the alpha-power
due to the velocity saturation effect [75]. The alpha of the today’s deep sub-
micron device current is nearly one [63]. Considering all these effects, the
simultaneous switching noise was developed by Eo et al.[79],

v nkLyfn
nmaz & 9T 2n (k — 1) ,,ﬁn

(96)
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Herein, (3, is the device transconductance value near the switching threshold
voltage (Viwiten) of the gate. Note that the dimension of 8, must not be
considered as [A/V?] but [A/ V‘”ph“]. The k is a constant factor to adjust
the maximum current slew rate. If the & is simply assumed as 2, it is similar
to the conventional model. However, the intersection of the time axis of the
current slope between tgyizcn(the time corresponding to Viyiern) and £, is not
at t = 0 but at some point greater than t7. A reasonable k value for most
circuit operations is about 3 to 4. In reality, it can be readily extracted for
a particular technology once a simulation is performed. If the k is assumed
as 3 in order to maintain the model in a simple analytic form

v - nLpBn
AT 2ty + 1.3nLpfr

Vob. (97)

In order to show the accuracy of model (97), the simulation was performed
with 0.35um CMOS process-based circuits. The simulation employed the
level 49 MOS model [BSIM3] of HSPICE. The NMOS device transconduc-
tance for the simulation is 8, ~ 43mA/V%he  As shown in Figure. 33
and Figure. 34, the model (97) has excellent agreements for various package
design parameters with HSPICE simulation results within about 5% error.

5.4 Design Consideration

The SSN variation is a strong function of inductor, load capacitor, and
transistor size. Since the current slew rate maximum happens near tgytch to
t, for practical circuits, the slew rate and transistor 3, must be determined
near the tg,cn t0 .. In addition, the capacitance size is quite important
because it is a selectable design parameter unlike other fixed parameters,
such as the inductor, which is dependent on the package type and ground
placement within a chip. Particularly, a small load capacitor may cause the
under-damped case (damped-oscillating case) by making R., too large. The
best design guide lines are as follows. Since the inductance is strongly related
with physical structures, such as package type or ground configuration, the
package type with the minimum inductance should be selected. In this case,
the driver size should be large because the resistance is inversely proportional
to the driver size. The transistor resistance must be calculated by using the
alpha-power law as follows:

Voo

Rt ~ .
T %’L (VGS _ th)alpha

(98)
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V..V

Number of switching gates

(a) SSN noise viariations for the rise time=0.2nsec
and L,=0.2nH

(v]

ssn

Time [nsec}]

(b) SPICE-simulation-based time domain wave-
forms of the SSN

Figure 33. Verification of the SSN models with SPICE simulation results for
the driver size of 8, = 43mA/V¥Phe(ie., (W/L)nmos=(80/0.35)).
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s z
>§ >
Number of switching gates Number of switching gates
(a) SSN wvariations for L,=0.05nH, (b) SSN variations for L,=0.1nH,
0.1nH and 0.15nH when tr=0.1nsec 0.2nH and 0.3nH when tr=0.2nsec

) =)
>i >i
Number of switching gates Number of switching gates
(¢c) SSN wvariations for L,=0.2nH, (d) SSN variations for L,=0.1nH,
0.5nH and 0.8nH when tr=0.5nsec 0.5nH and 1nH when tr=1nsec

Figure 34. SSN in terms of various package design parameters(i.e. the rise
time, the package inductance, and the number of the switching gates). Note
that the driver size is (W/L)pmos=(150/0.35) and (W /L)nmoes=(80/0.35).
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Capacitance { pF ]

Rising Time [ nsec ]

Figure 35. Minimum load capacitance(Cy) requirements for different
inductances(Lp) and rise times to meet the minimum SSN.
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I Select package parameters (L,C transistor size) I

!

[ Determine a, B, R, |

Critical Resistance Check
Ry <Ry)

Yes

Keep Min. L, & R, and
Max. C, again which Determine T & C again to meet [eq.100]]
must at least satisfy [eq.100]

I Y

No

Is"C ,"OK?

Yes

l Determine noise signal V., ]

No

Design to meet V..,

Figure 36. Design procedures for optimal IC package design.

If the noise is still oscillating, the load capacitance must be increased. Once
the resistance is determined, a quarter of the current oscillation period must
be greater than t,. Thus the capacitance must satisfy

T
= T > t,. (99)

4 (LyCp) " —o2

Rearranging (99), the load capacitance should meet

2 2\ 17t
cL> L, (-21;-) +<f£p>) (100)

Thus (100) gives the minimum load capacitance for non-oscillating within
an input rise time for a given R; and a given L,. Alternatively, if the
load capacitance Cf, is given, the inductance L, must meet (100). Given
the device and inductance, the load capacitance requirements with the rise
time variations are shown in Figure. 35. Clearly, for a large inductance, the
capacitance size must be increased. The design procedures are summarized
in Figure. 36.
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Note that expression (97) and expression (100) are extremely valuable
design equations because they can provide the circuit designers with an
accurate design methodology to meet their design goal as well as insight
into SSN and I/O device size. That is, circuit designers can accurately
predict the SSN noise of their circuits by using (97) and therefore improve
upon their design by using both (97) and (100).
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References

1 Introduction

Arithmetic circuits play a crucial role in most complex digital systems today.
Virtually all complex digital systems contain arithmetic circuits in their crit-
ical paths, and thus the performance of arithmetic circuits can greatly affect
the performance of the system as a whole. Likewise the area and power dis-
sipation of arithmetic circuits can be important factors in the determination
of the feasibility of the system. Area and power issues appear to be even
more important today because circuits are often meant to perform in less
than optimum conditions, such as where components are tightly packed and
don’t necessarily have large amounts of ventilation. Thus the realization
of area- and time-efficient arithmetic circuits is of fundamental importance.
This is especially true for adders, which appear in all arithmetic circuits.
Unfortunately, establishing what kind of adder is the most appropriate for
a specific application is not trivial. In fact, in order to achieve the best
area-time trade-off, the designer should analyze the characteristics of sev-
eral adders. In addition, sometimes the designer is given a fixed portion of
the chip area for the circuit, so that there is no flexibility in the shape that
the circuit can take. This implies that dependencies of performance and
cost on topology and layout constraints should be both taken into account.

Two methods are available for producing layout: automatic and man-
ual. Additionally a mixed approach is possible, where only part of the
layout is automated. Manual place and route allows detailed changes to
be done to the layout. This can be useful for reducing parasitics and for
improving the placement of gates leading to higher performance and lower
area requirement. However, to minimize the time for testing and realiza-
tion fully automated approaches are usually preferred. Of these automated
approaches the most widespread one is the standard-cells place and route
process involving only the standard cells libraries provided by the foundries.
Note that the place and route software supporting this approach allows sev-
eral parameters to be set, influencing area and performance of the circuit
to be laid out [12]. For example, the designer is able to choose the layout
aspect ratio (sometimes indirectly by means of choosing the number of rows
of cells) and the number of levels of metal and polysilicon to be used during
the routing process. Obviously, appropriate values have to be chosen for
these parameters taking into account design specifications and constraints.
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Figure 1: Lateral power supply lines are very large

It is well known that the number of rows of cells in a layout or the aspect
ratio can affect Circuit Delay and Area for the following reasons:

1. Usually, the main (“lateral”) power supply lines that run on the left
and right sides of a circuit (Figure. 1) are very large. This is necessary
to supply current to all the branches of the circuit avoiding metal
migration [12]. The active area of the circuit does not change when
the aspect ratio varies but a higher number of rows of cells leads to a
higher area for the main supply lines. The power supply area change
can be quite significant.

2. Gate-to-gate as well as port-to-gate (I/O) interconnection lengths change
if the number of rows of cells varies. With few rows of cells gate-to-
gate interconnections can be critical because long connections may be
necessary simply to reach from one place to another. This is the case
shown, for example, in Figure. 2. As the number of rows increases to
an intermediate value (e.g. 4), the I/O interconnections can become
critical. In fact, as shown in Figure. 3 they may reach half the lay-
out width. Once the number of rows becomes very high, gate-to-gate
interconnections dominate the I/O ones once more. As shown in Fig-
ure. 4 this happens because no cell is very far from the chip edge, and
because some logic signals may have to travel between two distant
rows of cells. From the discussion above it is clear that changes to
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Figure 2: With few rows of cells, long interconnections are often needed

Figure 3: I/O interconnection lengths may reach half the layout width
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Figure 4: As the number of row rises gate-to-gate interconnections can dom-
inate I/O interconnections once more
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the layout aspect ratio can significantly influence net capacitance and
consequently net delays.

As it is well known, the number of levels of metal also influences cir-
cuit delay and area. Today technologies with up to 10 levels of metal are
available. In particular a higher number of levels of metal is expected to
facilitate routing for the following reasons:

1. The first obvious advantage is the reduction on the wiring congestion,
which leads to smaller routing channels. This implies a reduction on
the silicon area requirement.

2. Sometimes, using few levels of metal, routing complex nets or a large
number of nets in a small area can be difficult. In such situations wind-
ing paths may be necessary for critical nets and sometimes stretches of
poly may be required to resolve connections that are not routable with
metal alone. Increasing the number of levels of metal avoids complex
paths and stretches of high-capacitance poly. Obviously this leads to
a gain in speed.

Obviously supply voltage changes do not affect area requirement, but they
influence power dissipation and delay.

This chapter presents three separate but related sets of experimental
results that pertain to the effects of the above parameters on performance
and area requirement of binary adders realized using the fully automated
standard cells approach. The 32-bit adders we will refer to are the follow-
ing: a Ripple-Carry, a conventional Carry-Skip, a Carry-Select, a Carry
Lookahead, and the recently proposed Carry-Strength Adder [4]. The sets
of results we present in this chapter will show:

o The effects of floorplanning on area and delay,
e The effects of the number of levels of metal on area and delay, and,
e The effects of supply voltage on delay.

Of these three sets of results, we will devote most of our effort on the first
one, namely, the effects of floorplanning on area and delay of binary adders
implemented in a standard cell technology. The technology we used is AMS
(Austria Mikro Systeme) 0.6um standard cell (Hit-Kit version 3.20), running
under the IC Station tool V8.7_2.1 of the Mentor Graphics design system.
Floorplanning is normally defined as the placement of blocks of fixed
area but unknown dimension of shape [10]. However, due to the large size
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of power supply lines, we will find that the layout area of a circuit with
fixed active area can vary quite significantly as we change the shape of the
layout. We will also find that the worst-case delay of a circuit can change
according to the floorplan, and we will study the cause of this change. In
particular, we will find that the layout area can, in the worst case, almost
double as the number of rows of cells increases from 2 to 14. Circuit delay
also suffers significant changes with respect to the number of layout rows.
We will find that the changes in the delay are smaller and more complex
than the changes in area. Note, however, that in larger circuits the delay
changes may be more pronounced due to the possibility of longer wires.

The results of this study emphasize the importance of careful global
floorplanning, where the aspect ratio of each block is allowed to vary. Our
results also highlight the need for new floorplanning algorithms, where con-
straints on performance and area of a block should be input to the algo-
rithms. Floorplanning algorithms that take circuit performance seriously
into account appear to be half a decade old (2, 8, 9, 12, 13].

The analysis of the effects of the layout aspect ratio on circuit delay and
area will allow the demonstration of the superior properties of the Carry-
Strength adder in terms of silicon area requirement and performance. Due to
this, we investigated on the effects of the number of levels of metal on carry-
strength delay and area. In particular, our second set of results quantifies
for the carry-strength adder what happens when we increase the number of
levels of metal from 2 to 3. There we will find that the area decreases by
14% on average for the number of rows studied (2, 3, 4, 5, 6, 10, and 14),
whereas the delay decreases only slightly, bringing the area-delay product
decreases by 15% on average.

The last set of results involves checking the delays of all the above-
mentioned adders at different voltages between 2 and 5 volts. There we
find that the carry-strength adder is the most robust and reliable addition
circuit, since it is much less sensitive to the supply voltage changes than the
other adders.

Section 2 is devoted to the description of the adders involved in our
experimental analysis, whose results will be presented in sections 3 and 4.

2 Binary Adders

The importance of a fast, low-cost binary adder in a digital system is difficult
to overestimate. Not only are adders used in every arithmetic operation,
they are also needed for computing the physical address in virtually every
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Figure 5: Typical one-bit full adder

memory fetch operation in most modern CPUs. Adders are also used in
many other digital systems including telecommunications systems in places
where a full-fledged CPU would be superfluous.

Many styles of adders exist, each with its own area-delay trade-off.
Ripple-carry adders are known as the smallest adders but are also the
slowest. Better performance with reasonable silicon area increase can be
achieved with the carry-skip adders [4, 7]. Carry-select and carry lookahead
adders [4, 7] are very fast but far larger than ripple-carry or traditional
carry-skip adders. Recently, a new kind of carry-skip adder, here named
carry-strength adder, has been proposed. It offers the advantage of per-
formance comparable with the carry lookahead adder while maintaining a
silicon area requirement not much greater than that of the conventional
carry-skip adder. In the following, all the above mentioned adders will be
described, but first of all their hardware addition algorithms will be studied.

The basic adder is known as a one-bit full adder, which computes a
sum bit and a carry-out from two one-bit addends and a carry-in. The full
adder’s functions are as follows:

$i = ;@b D (1)
Civr = aibi +bici + ciai (2)

where s; and ¢;4; are the sum bit and the carry-out, respectively, whereas
a;, b; and c; are the addends and the carry-in, respectively. Figure. 5 shows
a typical gate-level implementation of a one-bit full adder. The n-bit ripple-
carry adder is built from n one-bit full adders. This is shown in Figure. 6,
where the 32-bit ripple-carry adder is illustrated. Note that the sum bit
and the carry-out generated by the ith full adder depend on the carry-out
generated by the (i-1)th full adder. This implies that the critical delay path
of the ripple-carry adder goes from the 0-bit inputs to the n-1 bit up through
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Figure 6: A 32-bit ripple adder

the carry chain. The ripple-carry adder is area-efficient and easy to design
but it is slow for any moderate or large values of n. It is easy to understand
that for the case shown in Figure. 6 the critical path delay consists of 31
multiplexers and two EXOR gates for the sum computation, whereas it
consists of 32 multiplexers and an EXOR gate for the carry output. Several
methods exist to speed up the carry chain. An example is the principle
used in the carry-select adder. A typical structure of this adder is shown in
Figure. 7. In a carry-select adder m-bit stages are used, each consisting of m
one-bit full adders (Figure. 7). All stages, the first one excepted, compute
two versions of the sum with the possible carry-ins of 0 and 1. When the
true carry-in is ready the correct sum and carry output bits are selected
by multiplexers controlled by the carry output of the previous stage. This
method allows speeding up the carry chain since the two versions of additions
are computed in parallel. Thus, the delay of each stage subsequent to the
first one is limited to that of a 2:1 multiplexer. For the 32-bit version of the
carry-select adder this leads to the critical path consisting of 11 multiplexers
and an EXOR gate for both the sum and carry-out computations.

Another useful method for speeding up addition is that which is used in
the carry lookahead adder. The carry-lookahead adder operates according
to the idea that the carry into each bit position is a Boolean function of
the bit positions to the right, that is, the less significant bits. Therefore it
is possible (but costly) to compute this bit carry-in in a more-or-less direct
fashion instead of letting the carry ripple through the less significant bits.
The carry-lookahead adder performs its computation into two steps:

1. First compute the Propagate (P) and Generate (G) signals as shown



270 V. Kantabutra, S. Perri, and P. Corsonello

X(31:24)  Y(31:24) A(23:16)  B(23:16) A(IS8)  B(I5:8)
‘ A0 B(TD)
SGL2) 4200 b0y a70) (70 a:0)  b(7:0)
! __Cout Bk iy O _Com Bk cin 0 _.Cout Bl Cin 0 a7:0)  b(7:0)
\ S(7:0) 5(7:0) $(7:0) Cout Bk Cin —
Isz31:20) s316) (1 bsuasie sas8) (1 Jsx15:8) S(7:0) i
I
0 0
Su(31:24) lSu(’.’J:IG) Su(15:8) S(7:0) i
s(70) - S(7:0) 87:00 ,’
Cout gk Cin L [—C(‘“l Bk Cin _! Cout Bk Cm_l Carry-in
a7:0)  b(7:0) l | a7:0)  b(7:0) AT0) W0
| | 1 I 1
1= 1 T o 1
' X(31:24) Y(31:24) A(23:16) B(23:16) A(15:8) B(15:8)
i
Carry-out
a7b7 a6 b6 a5 b5 ad b4 a3b3  a2b2 al bl a0 b0

o & O O T O O T

wu [ H[eH [EH [t o) o) [ [
SRSAAAGAGR,

Figure 7: Typical structure of a 32-bit carry-select adder
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in equations 3 and 4::

P = a,®b (3)
Gi = ai-bi (4)

2. Then obtain the sum and carry outputs by means of functions of P;
and G; as shown in equations 5 and 6:

$i = GOF (5)
Citi = Gi+PB-c (6)

The carry formula can be recursively expanded, then it can be written as in
equation 7:

ciy1 = Gi+F-(Gi-1+ Fi-1-¢i1)
= Gi+PF-Gi-1+ P P1- (Gi2+ Pia - ¢i2)
= Gi+P-Gi-1+PF-P1-Gi2+
P;-Piy Py (Gi—3+ Pi-3 ¢i_3)
i

_ Z(Gk- Il pj) )

k=0 j=k+1

Note that the carry c;;+1 is expressed in terms of P, G, and the carry-in of
the adder (cp). This implies a very short carry chain. However, it is easy to
understand that there is a limit beyond which larger gates with higher fan-in
are necessary, reducing the gain in speed obtainable with a carry lookahead
adder. Typically, four levels of carry can be usefully expanded without
compromising speed up. Taking this into account the 32-bit version of the
carry lookahead adder can be structured as shown in Figure. 8. Observing
the above circuits it can be easily verified that the critical delay path consists
of 3-Andy+3-Ory+ Andy+Ory+2- X org for the sum computation, whereas it
consists of 2- Ands +2-Ors + And3z+Ors + X org for the carry-out generation.

The carry-skip adder uses the carry-propagate and carry-generate rela-
tionships 3 and 4 differently. In fact, it looks for cases in which the carry-out
of a set of bits is the same as the carry-in into those bits. Usually, a carry-
skip adder is divided into a proper number of m-bit blocks, each representing
a set of m bits [4, 7]. In Figure. 9 is illustrated the 32-bit version of a carry-
skip adder using 8-bit blocks. Each non-least significant 8-bit block can be
structured as shown in Figure. 10.
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Figure 8: Typical structure of a 32-bit carry-lookahead adder
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Figure 10: Structure of the generic non-least significant 8-bit block
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In the least significant 8-bit block just the AND gates generating the skip
signal are not necessary. So that it is structured as shown in Figure. 7(b).

On the basis of the propagate signals pr7,...,po, each block is able to
establish if its carry-out depends or not on the carry-in. If skip=1 the
carry-in of the block is “immediately” transferred to the carry-out line by
means of the external 2:1 multiplexer MUX*. The skip signal assumes the
low logic level only if a carry is internally generated into the block. In fact,
when this event occurs one or more of the propagate signals are low. It
is worth emphasizing that all the blocks in which skip=0 work in parallel.
Thus, a long-range carry signal starts at a generic block B;, ripples through
some bits in that block, then skips some blocks, and ends in a block B;. If
the carry does not end at the LSB of B; then rippling occurs in that block
and an additional delay is needed to compute the valid sum bits. It can
be easily verified that for the 32-bit carry-skip adder shown in Figure. 9
the critical delay path consists of 17 multiplexers and 2 EXOR gates for
the sum computation, whereas it consists of 18 multiplexers and an EXOR
gate for the carry-out validation. The carry chain of a carry-skip adder can
be further sped up using the optimization criterion detailed in [3], which
suggests the usage of non-uniformly sized block. In that paper it was shown
that the block sizes should be small near the MSB and LSB, and gradually
larger towards the middle of the bit positions.

Recently, a family of new carry-skip adders, here named carry-strength
adders, that are significantly faster than traditional carry-skip adders while
not much larger has been proposed [4]. A carry-strength adder is based on
the elimination of the delay due to the rippling occurring when a long-range
carry dies into a block. In order to this, a carry-strength (CS) signal is
defined for each bit position into any non-least significant m-bit block as
follows:

CSeri =1 TF D yx if k the LSB of the block (8
k171 OSk + (z5 ®ys) otherwise )

In other words, for bit position k that is not the LSB of a block of bits, the
incoming carry-strength C'Si is high if and only if the carry into the same
position (Cy) is independent of the carry-in of the block containing that
bit position. In case CSiy = 1, we also say that the carry-in Cj is strong.
Otherwise Cy, is weak. Carry-strength signals are useful in a block in which
a long-range carry signal ends. To demonstrate the usefulness of carry-
strength signals, let us consider the following two complementary cases. If
CSi = 0, that is, the carry is weak, it is easy to verify that C}, corresponds
to the block carry-in. Thus, we can just select Cr to be the same as the
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block carry-in, eliminating the delay due to rippling. On the other hand,
if CS; = 1, then Cy is independent of the carry-in, and is therefore known
quickly. (In other words the computation of Cj, starts as soon as the adder’s
operands appear, without waiting for an incoming block carry-in). For these
reasons, the existence of carry-strength signals trivializes the delay in the
ending block of a long-range carry signal, provided that the block carry-in is
fed into a large enough buffer. Carry-strength signals can be easily computed
in a ripple fashion implementing the above recursive definition. However,
the latter rippling starts right when the operands are ready, not having to
wait for the carry-in signal. In the 32-bit version of the carry-strength adder
consisting of 8-bit blocks the structure shown in Figure. 11 is used for the
non-least significant 8-bit block. The least significant 8-bit block is organized
as above shown in Figure. 7b. It can be easily verified that the critical path
of such carry-strength adder involves 11 multiplexers and 2 EXOR gates for
the sum computation, whereas it consists of 11 multiplexers and an EXOR
gate for the carry-out validation. Also the carry chain of the carry-strength
adder can be further speed up using differently sized block. For its 32-bit
version the optimum architecture is that shown in Figure. 12. Note that the
critical delay path consists of 9 multiplexers and 2 EXOR gates for the sum
computation, whereas it consists of 9 multiplexers and an EXOR gate for
the carry-out validation. All the above-described 32-bit adders have been
realized and their characteristics have been analyzed highlighting the effects
of layout aspect ratio and of the number of levels of metal on circuit delay
and area. The obtained experimental results are discussed in the following
section.

3 The Effects of the Layout Aspect Ratio and of
the Number of Levels of Metal on Circuit Delay
and Area

In order to analyze the effects of the layout aspect ratio and of the number
of levels of metal on circuit delay and area, we automatically laid out all
the above adders. For all these layouts, we used the AMS (Austria Mikro
Systeme) 0.6pum standard cell technology and the Mentor Graphics design
system. In a first analysis 2 levels of metal (CUB process) were used. Then
the effects of adding a third layer of metal (CUD process) on the overall
performance of the carry-strength adder was also studied for the case in
which all adders have uniformly sized blocks (i.e. 8-bit blocks).

For all the adders described in section 2 several layouts have been pro-
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duced. Instead of varying the aspect ratio directly as a parameter in our
experiments, we produced all layouts varying the number of rows of cells
that is an input expected by the Mentor place and route software. In Fig-
ure. 13 the total layout area (a), lateral power routing area (b), and active
core area (c) are reported for all the studied adders and for several numbers
of rows. It can be seen that, as expected, the layout area increases as the
number of raws grows and that this is mainly due to the greater lateral
power routing area.

In Figure 14 the worst-case delays of the adders we have studied are
shown, each one normalized to the minimum value measured over all the
numbers of rows of cells. It can be noted that not only the delay depends
on the layout aspect ratio as expected, but also that some adders are more
sensitive to the changes in the aspect ratio. This is due to the difference in
the topology of the different types of adders.

Among the adders we analysed the carry lookahead seems to be the most
sensitive one in terms of worst-case delay.

All the above data have been obtained using automated layout with
simulated annealing and two levels of compaction. Many tests have been
done to try to obtain better results by means of manual pre-placement.
However, these attempts have been successful only for the ripple-carry adder.
Even in this case, the area saving is very small with respect to the automated
layouts and it is limited to the case in which the floorplan is organized into
few rows (1, 2, 3, and 4). For all the other adders, manual pre-placement
has given worse results than automatic place and route.

In order to observe how net capacitance depends on the layout aspect
ratio we evaluated I/O and gate-to-gate net capacitance. Figure. 15 shows
the ratio between the capacitance of the longest I/O net and the capaci-
tance of the longest gate-to-gate net, for all the adders studied here. The
experimental results show that the I/O net dominates until a certain num-
ber of rows, then the gate-to-gate net becomes dominant. Note that in the
carry lookahead adder, for any of the number of rows studied, the longest
I/0 net is that which is associated with the carry-in (cin). This is obvious
since cin has to feed several modules. We should emphasize that only in the
carry lookahead and ripple-carry adders the I/O net becomes quite domi-
nant for some numbers of rows. In fact, for other adders the ratio between
the capacitance of the longest I/O net and the capacitance of the longest
gate-to-gate net is always less than 1. This is due to the topology of carry-
select, carry-skip and carry-strength adders. In fact, as shown in Figure. 7
and Figure. 9 a “bridge” is always necessary to transfer the carry-out of a
block to the multiplexer generating the carry-out of the subsequent block.
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Figure 13: Top: (a) Total layout area, bottom: (b) Lateral power routing
area, (c): Active core area
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Figure 16: Area-delay product versus aspect ratio

The “bridges” are internal net having intermediate lengths so that the I/O
net does not really dominate for any number of rows.

The diagram reported in Figure. 16 serves as good summary of the ob-
tained results. In fact, it shows how the area-delay product depends on the
aspect ratio. It can be seen that the carry-strength adders exhibit better
characteristics than all the conventional adders. To quantify the advantage
of the carry-strength adder without optimized block sizes it has been directly
compared to the carry-skip adder with the same block size (8 bits), which
shows on the average the best area-delay product among the conventional
adders. It is worth emphasizing that the non-optimized carry-strength adder
has been referred to for the sake of comparison. In fact the optimized ver-
sion should be compared to the optimized carry-skip adder. Figure. 17 shows
the difference between the area-delay product of the conventional carry-skip
adder and that of the carry-strength one. The diagram we obtained shows
a steady increase in that difference when the number of rows in the layouts
exceeds 5.

The experimental results presented above have been obtained by analyz-
ing layouts in which only 2 levels of metal are used. The benefits of a third
level of metal have been quantified for the non-optimized carry-strength
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Figure 17: Area-delay product of conventional adders minus area-delay prod-
uct of new adders

adder. Also in this case several numbers of rows have been tested.

Figure. 18a shows the savings in silicon area due to the use of a third
level of metal. As observable in Figure. 18b and Figure. 18c the reduction
on the total layout area is due either to the lateral power routing area or to
the active core area. In particular, it can be seen that the reduction on the
lateral power routing area increases with the number of rows.

Figure 19 shows that the reduction in the circuit delay varies as the
number of rows changes and becomes more pronounced as the number of
rows becomes very high. This is due to the fact that in this case a third
level of metal is essential in making the critical paths shorter than that
which could have been routed using only 2 levels of metal. The benefits of a
third level of metal on Circuit Area and Delay are summarized in Figure. 20,
where the comparison between the carry-strength adders routed on 2 and
3 levels of metal is shown in terms of area-delay product. As expected, for
all the considered numbers of rows the layouts made using 3 levels of metal
exhibit better characteristics than those made using only 2 levels.
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Figure 19: The reduction in the circuit delay varies as the number of rows

changes and becomes more pronounced as the number of rows becomes very
high

Figure 20: Comparison between the carry-strength adders routed using 2
and 3 levels of metal shown in terms of area-delay product
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4 The Effects of Supply Voltage on Delay

Delay is one of the most important properties of a digital circuit since the
majority of chip designs are limited more by speed than by area. Neverthe-
less, in the last few years many researchers have redirected their efforts to
the realization of low-voltage circuits [5, 6, 7, 14] instead of the high-speed
ones. This is due to the fact that reducing the supply voltage helps to al-
leviate power consumption problems. In fact, as it is well known, power
consumption depends on the supply voltage by means of a quadratic rela-
tion. So that chosen a specific technology, reducing the supply voltage for
example from 5V to 2.5V a reduction on the power consumption up to 70%
can be expected.

Reducing the supply voltage does not significantly affects silicon area
requirement, but it can compromise performance. This can be a serious
problem in some applications such as digital signal processing in ASICs.
Therefore we seek circuits that can operate at low voltage while still achiev-
ing adequate speed.

Normally the designer does not have too much control over the supply
voltage, since it is determined by system and technology considerations.
However, sometimes designers can choice a specific supply voltage in a given
range. This is the case for the above-referred CUB and CUD processes,
in which the supply voltage can range between 5V and 2V. This implies
that also knowing how performance change versus the supply voltage has a
fundamental importance to identify a reasonable area-delay-power trade-off.

In order to demonstrate how supply voltage changes can affect perfor-
mance several electrical HSPICE (BSIM3V3 level 49) simulations have been
carried out for all the adders described in section 2. To limit varying param-
eters in our experiments the number of rows of cells has been fixed to two
for all the examined adders. A supply voltage changing from 5V to 2V with
a step size equal to 1V has been imposed. In Figure. 21 the observed de-
pendencies are summarized. Note that delay approximately triples for each
adder as the supply voltage is dropped from 5V to 2V. In fact, the worst-case
delay of the ripple-carry adder changes from 18ns at 5V to 50ns at 2V and
the worst-case delay of the carry-skip adder changes from 10ns at 5V to 29ns
at 2V! To better evaluate how the worst-case delay changes for the other
adders the zoomed diagram reported in Figure. 22 can be examined. Since
the carry-strength adder with optimized block sizes has the lowest delay at
5V to begin with (about 5ns), it can afford a reduction of the supply to 2V
while keeping the delay down to about 15ns. Thus in terms of absolute delay
increase, this adder is the best performer as the voltage decreases. This is
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Figure 22: Dependency of delay on supply voltage, zoomed, without ripple
carry adder
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an important property not only because a better area-time-power trade-off
can be achieved but also in terms of circuit robustness and reliability.

5 Conclusions

In this chapter we considered certain important tradeoffs in digital binary
adder design. Such a study is important because adders lie at the core of
a large number of digital systems. In particular, we consider the effects of
floorplanning, number of levels of metals, and supply voltage on performance
and area. One thing we found is that the layout area depends significantly on
the aspect ratio, which means that traditional floorplanning algorithms can
be improved to accommodate this dependence. As expected, circuit delay
also depends on the aspect ratio. This dependence can be complex, and we
have given it some explanation and supporting experimental data. We also
showed how much the increase of the number of metal levels from two to
three helps with respect to area and speed. Finally, we quantified how the
supply voltage affects adder performance. In all these results we compared a
new type of adders called “carry-strength” adder against traditional adders
and found the new type of adders to be superior in all situations.
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