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CHAPTER 1

INTRODUCTION

Operational amplifiers (op-amps) and comparators are two of the most important
building blocks for analog signal processing. Op-amps and a few passive components
can be used to realize such important functions as summing and inverting amplifiers,
integrators, and buffers. The combination of these functions and comparators can
result in many complex functions, such as high-order filters, signal amplifiers, ana-
log-to-digital (A/D) and digital-to-analog (D/A) converters, input and output signal
buffers, and many more. Making the op-amp and comparator faster has always been
one of the goals of analog designers. In this chapter the basic concept of digital and
analog signal processing is introduced. Then a third category of signal processing,
the sampled-data analog technique, which is in between the two main classifications,
is described. Finally, a few representative examples are given of circuits and systems
utilizing CMOS op-amps and comparators, to illustrate the great potential of these
components as part of an MOS-LSI chip.

1.1 CLASSIFICATION OF SIGNAL PROCESSING TECHNIQUES [1-4]

Electrical signal processors are usually divided into two categories: analog and digital
systems. An analog system carries signals in the form of voltages, currents, charges,
and so on, which are continuous functions of the continuous-time variable. Some
typical examples of analog signal processors are audio amplifiers, passive- or active-
RC filters, and so on. By contrast, in a digital system each signal is represented by
a sequence of numbers. Since these numbers can contain only a finite number of
digits (typically, coded in the form of binary digits, or bits) they can only take on
discrete values. Also, these numbers are the sampled values of the signal, taken at
discrete time instances. Thus both the dependent and independent variables of a
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2 INTRODUCTION

digital signal are discrete. Since the processing of the digital bits is usually performed
synchronously, a timing or clock circuit is an important part of the digital system.
The timing provides one or more clock signals, each containing accurately timed
pulses that operate or synchronize the operation of the components of the system.
Typical examples of digital systems are a general-purpose digital computer or a
special-purpose digital signal processor dedicated to (say) calculating the Fourier
transform of a signal via the fast Fourier transform (FFT), or a digital filter used in
speech analysis, and so on.

By contrast, analog signal processing circuits utilize op-amps, comparators, resis-
tors, capacitors, and switches to perform such functions as filters, amplifiers, recti-
fiers, and many more. To understand the basic concepts of the most commonly used
configurations of an analog circuit, consider the simple analog transfer function

Vout (5) _ b
Vin(s) s +as+ b

(1.1}

It is easy to verify that the RLC circuit shown in Fig. 1.1a can realize this function
(Problem 1.1). Although this circuit is easy to design, build, and test, the presence
of the inductor in the circuit makes its fabrication in integrated form impractical.
In fact, for low-frequency applications, this circuit may well require a very large
valued, and hence bulky, inductor and capacitor. To overcome this problem, the
designer may decide to realize the desired transfer function using an active-RC
circuit. It can readily be shown that the circuit in Fig. 1.1, which utilizes three
operational amplifiers, is capable of providing the transfer function specified in
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Figure 1.1. Second-order filter realization: (a) passive circuit; (&) active-RC circuit.
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Figure 1.2. Switched-capacitor realization of a resistive branch.

Eq. (1.1). This circuit needs no inductors and may be realized with small discrete
components for a wide variety of specifications (Problem 1.2). It turns out, however,
that while integration of this circuit on a bipolar chip is, in principle, feasible (since
the amplifiers, resistors, and capacitors needed can all be integrated), there are some
major practical obstacles to integration. These include the very large chip area needed
by the RC components, as well as the stringent accuracy and stability requirements
for these elements. These requirements cannot readily be satisfied by integrated
components, since neither the fabricated values nor the temperature-induced varia-
tions of the resistive and capacitive elements track each other. The resulting
pole—zero variations are too large for most applications.

Prior to mid-1970s, analog circuits such as the one shown in Fig. 1.1 were imple-
mented using integrated bipolar op-amps and discrete passive components. In the
1970s two developments made it possible to fully integrate analog circuits in metal-
oxide semiconductor (MOS) technology. The first development was the emergence
of a technique called switched-capacitor (SC) circuits [6], which is an effective
strategy for solving both the area and the matching problems by replacing each
resistor in the circuit by the combination of a capacitor and a few switches. Consider
the branches shown in Fig. 1.2. Here, the four switches S, S;, S3, and S4 open and
close periodically, at a rate which is much faster than that of the variations of the
terminal voltage u4 and vg. Switches S, and §; operate synchronously with each
other but in opposite phase with S, and S;. Thus when S, and S5 are closed, §; and
S, are open, and vice versa. Now when S, and S5 close, C is discharged. When $;
and S; open, S, and S, close, and C is recharged to the voltage v- = vy, — wg. This
causes a charge ¢ = C(uy — vp) to flow through the branch of Fig. 1.2. Next, C
is again discharged by S, and S, and so on. If this cycle is repeated every T seconds
(where T is the switching period or clock period), the average current through the
branch is then

=7 = m(va — vp). (1.2)

~NI0

iy = 7
Thus i,, is proportional to the branch voltage vy — wvg. Similarly, for a branch

containing a resistor R, the branch current is i = ({//R)(va — vg). Thus the average
current flowing in these two branches are the same if the relation R = T/C holds.
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Figure 1.3. Second-order switched-capacitor filter section.

Physically, the switches transform the capacitor C, a nondissipative memoried ele-
ment, into a dissipative memoryless (i.e., resistive) one.

It is plausible therefore that the branch of Fig. 1.2 can be used to replace all
resistors in the circuit of Fig. 1.15. The resulting stage [3] is shown in Fig. 1.3. In
this circuit, switches that belong to different *‘resistors’” but perform identical tasks
have been combined. Furthermore, the second operational amplifier (op-amp) in
Fig. 1.1b, which acted merely as a phase inverter, has been eliminated. This was
possible since by simply changing the phasing of two of the switches associated
with capacitor C3, the required phase inversion could be accomplished without an
op-amp. '

As Fig. 1.3 illustrates, the transformed circuit contains only capacitors, switches,
and op-amps. A major advantage of this new arrangement is that now all time
constants, previously determined by the poorly controlled RC products, will be given
by expressions of the form (7/C,)C, = T(C,/C,). Here the clock period T is usually
determined by a quartz-crystal-controlled clock circuit and hence is very accurate
and stable. The other factor of the time constant is C,/C,, that is, the ratio of two
on-chip MOS capacitances. Using some simple rules in the layout of these elements,
it is possible to obtain an accuracy and stability on the order of 0.1% for this ratio.
The resulting overall accuracy is at least 100 times better than what can be achieved
with an on-chip resistor and capacitor for the RC time constant,

A dramatic improvement is also achievable for the area required by the passive
elements. To achieve a time constant in the audio-frequency range (say 10 krad/s),
even with a large (10-pF) capacitor, a resistance of 10-M() is required. Such a
resistor will occupy an area of about 10° wm? which is prohibitively large; it is
nearly 10% of the area of an average chip. By contrast, for a typical clock period
of 10 s, the capacitance of the switched capacitor realizing a 10-M{} resistor is
C = T/R = 1073107 = 10~ '*F = 1 pF. The area required realizing this capacitance
is about 2500 wm?, only 0.25% of that needed by the resistor that it replaces.
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The second development that made the realization of the fully integrated analog
MOS circuits possible was the design of the MOS op-amp. Perhaps the most gener-
ally useful analog circuit function is that of the operational amplifier. Prior to about
1977, there existed a clear separation of the bipolar and MOS technologies, according
to the function required [1,5). MOS technology, with its superior device density,
was used mostly for digital logic and memory applications, while all required analog
functions (such as amplification, filtering, and data conversion) were performed
using bipolar integrated circuits, such as bipolar op-amps. Since that time, however,
rapid progress made in MOS fabrication techniques made it possible to manufacture
much more complex and flexible chips. In addition, new developments occurred in
communication technology (such as digital telephony, data transmission via tele-
phone lines, adaptive communication channels, etc.) which required analog and
digital signal processing circuitry in the same functional blocks. The analog functions
most often needed are filtering (for antialiasing, smoothing, band separation, etc.),
amplification, sample-and-hold operations, voltage comparison, and the generation
as well as precise scaling of voltages and currents for data conversion. The separation
of these analog functions from the digital ones merely because of the different
fabrication technologies used is undesirable, since it increases both the packaging
costs and the space requirements and also, due to the additional interconnections
required, degrades the performance. Hence there was strong motivation to develop
novel MOS circuits, which can perform these analog functions and which can also
share the area on the same chip with the digital circuitry.

Compared with bipolar technology, MOS technology has both advantages and
disadvantages. MOS device has extremely high impedance at its input (gate) termi-
nal, which enables it to sense the voltage across a capacitor without discharging it.
Also, there is no inherent offset voltage across the MOS device when it is used as
a charge switch. Furthermore, high-quality capacitors can be fabricated reliably on
an MOS chip. These features make the realization of such circuits as precision
sample-and-hold stages feasible on an MOS chip [1]. This is usually not possible
in bipolar technology.

On the negative side, the transconductance of MOS transistors is inherently lower
than that of bipolar transistors. A typical transconductance value for a moderate-
sized MOS device is around 2.5 mA/V; for a bipolar transistor, it may be about 50
times larger. This leads to a higher offset voltage for an MOS amplifier than for a
bipolar amplifier. (At the same time, however, the input capacitance of the MOS
transistor is typically much smaller than that of a bipolar transistor.) Also, the noise
generated in an MOS device is much higher, especially at low frequencies, than in
a bipolar transistor. The conclusion is that the behavior of an amplifier realized on
an MOS chip tends to be inferior to an equivalent bipolar realization in terms of
offset voltage, noise, and dynamic range. However, it can have much higher input
impedance than that of its bipolar counterpart.

As a result of these properties, the largest use of the MOS op-amp is expected
to be as part of an MOS-LSI (large-scale integration) chip. Here the design of the
op-amp can take advantage of the important performance specifications that are
needed. The loading of the op-amp is often very light and usually only a small-
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valued capacitor has to be driven by these op-amps. Switched-capacitor circuits fall
especially into this category, where element-value accuracy is important but the
signal frequency is not too high and the dynamic range required is not excessive.
Voice- and audio-frequency filtering and data conversion are in this category and
represent the bulk of the past applications.

In addition to frequency-selective switched-capacitor filtering introduced in Fig.
1.3, which has been the most common application of MOS op-amps, there are many
other functions for which op-amps and comparators can be used. These include
analog-to-digital (A/D) and digital-to-analog (D/A) data conversion, programmable-
gain amplification for AGC and other applications, peak-detection, rectification,
zero-crossing detection, and so on. They have also been used extensively in large
mixed-signal analog/digital systems such as voice codecs, high-speed data communi-
cation moderns, audio codecs, and speech processors. This range will expand contin-
uously as the quality (bandwidth, dynamic range, power consumption, eic.) of the
components, especially op-amps and comparators, improves.

1.2, EXAMPLES OF APPLICATIONS OF OP-AMPS AND
COMPARATORS IN ANALOG MOS CIRCUITS

In this section, a few selected examples of practical analog MOS circuits are given
where CMOS op-amps and comparators are used extensively. Of course, the reader
should not expect to understand the details of these systems at this stage. However,
the diagrams may give an idea of the potentials of these components in analog signal
processing.

As mentioned earlier, one of the most important applications of CMOS op-amps
is in switched-capacitor filters. Figure 1.4a shows the circuit diagram of a seventh-
order switched-capacitor filter. Its measured frequency response is shown in Fig.
1.4b. The measured passband variation for the device is less than 0.06 dB. This
represents a superior performance, which could not have been achieved without
extensive trimming using any other filter technology.

An obvious application of a CMOS op-amp is the realization of charge-mode
digital-to-analog converters (DAC). It can be obtained by combining a programmable
capacitor array and an offset-free switched-capacitor gain stage. An example of an
N-bit charge-mode DAC is shown in Fig. 1.5, where V¢ is a temperature-stabilized
constant reference voltage. The output of the DAC is the product of the reference
voltage and the binary-coded digital signal (b,, bs, bs, ..., by). In Chapter 6 the
design of such circuits is discussed in some detail.

Modulators, rectifiers, and peak detectors [6] belong to an important class of
nonlinear circuits, which can be implemented with a combination of op-amps and
comparators. In an amplitude modulator the amplitude of a signal x(¢) (usually called
the carrier) is varied (modulated) by m(¢), the modulating signal. Hence the output
signal y(t) is the product of x(¢) and m(t), or y(t) = x(t)m(t). A periodic carrier
signal, which is readily generated from a stable clock source, is a square wave
alternating between two equal values + V. An easy way to perform modulation with
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Figure 1.5. Multiplying digital-to-analog converter.
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Figure 1.6. Switched-capacitor modulator with two clock signals.

a square-wave carrier is to switch the polarity of the input signal m(t) periodically.
A stray-insensitive switched-capacitor modulator circuit which performs according
to this principle is shown in Fig. 1.6. The clock phases ¢, and ¢, are operated at
the fast clock rate w,, while the phase ¢, changes at the slow carrier-frequency rate
w.,. Normally, w. is much larger (by a factor of 30 or more) than w,,.

Another nonlinear circuit is a full-wave rectifier that converts an input signal v,(1)
to its absolute value |u,(?)]. A simple way of implementing a switched-capacitor full-
wave rectifier is to add a comparator to an amplitude modulator. The circuit of a
switched-capacitor full-wave rectifier based on the modulator of Fig. 1.6 is shown
in Fig. 1.7a. Here A is set to ‘1" if v, > 0 and to “‘0"" if v, < 0, while B is set
to A by the comparator and the latch that follows it each time &,, goes high. The
signals A and B then set the polarity of the transfer function so that it inverts the
negative input signals, but not positive ones. Figure 1.7b shows an auto-zeroing
comparator, which is discussed in detail in Chapter 5.

A peak detector is a circuit whose output holds the largest positive (or, if so
specified, negative) voltage earlier attained by the input signal. An MOS peak detec-
tor is shown in Fig. 1.8. The op-amp acts as a comparator, with voy = Vinax and
Un as its inputs. If v, > Vp,,, the op-amp output goes high and M, conducts,
charging C until voy = v, is reached. If v, < Vi.x, the op-amp output is low, M,
is cut off, and vy, = V. is held by C.

One of the most important applications of the comparators is in A/D converters.
A successive-approximation A/D converter is one type of medium-speed Nyquist-
rate converter that can be realized using a programmable capacitor array (PCA) and
a voltage comparator. A 5-bit converter is shown in Fig. 1.9. For high-speed opera-
tion, flash A/D converters can be used. In this configuration an array of 2" compara-
tors are used for an N-bit A/D converter. A conceptual diagram of an N-bit flash
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Figure 1.7. Switched-capacitor full-wave rectifier: (a) complete circuit; (b) offset-compen-
sated comparator.

A/D converter is shown in Fig. 1.10. Analog-to-digital converters are discussed in
detail in Chapter 7.

With the recent rapid progress made in MOS fabrication techniques and the
emergence of the submicron CMOS technology, many intricate systems containing
analog and digital functions have been combined in a fully integrated form. One
" drawback of the submicron CMOS technology is the reduction in the power supply
voltage, which results in a reduced signal swing and hence a lower dynamic range.
To improve the performance of the system and reduce the effects of noise injection
from the power, ground, and clock lines, most modern high-performance mixed-
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signal integrated circuits make use of fully differential signal paths. With op-amps
and comparators, the fully differential signal paths require fully differential outputs
as well as inputs, and they are known as fully differential op-amps and comparators.
Since this technique uses symmetrical layout, many of the noise voltages (power
supply noise, clock-feedthrough noise, offset voltages) appear as common-mode
signals. They are to a considerable extent canceled in the differential output voltage
Uoue at all frequencies. A high-frequency high-Q switched-capacitor bandpass filter
that uses a fully differential signal path is shown in Fig. 1.11. This filter is typically
used in a radio-frequency (RF') receiver system, which requires high selectivity at
high frequencies [7]. The two complementary switch blocks (X, and X;,) are shown
in Fig. 1.12. The filter uses fully differential single-pole transconductance folded-
cascode op-amps with source-follower common-mode feedback as illustrated in Fig.
1.13 [8]. This op-amp achieves 100-MHz unity-gain bandwidth and 60 dB of gain
with 1 mA of total current consumption. Fully differential op-amps are discussed
in detail in Chapter 4.
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Figure 1.12. Two switch blocks for a double sampling.
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Another application of the fully differential op-amps is in oversampling, or delta-
sigma A/D converters. The oversampling converters operate at sampling rates of 16
to 512 times the Nyquist rate and increase the signal-to-noise ratio by subsequent
filtering. The oversampling techniques lend themselves most favorably to applica-
tions that require a relatively low frequency (<1 MHz) and high resolution (>12
bits). The most obvious application of delta-sigma converters is in digital telephony

Figure 1.13. Wideband op-amp for the filter.
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Figure 1.14. (a) Fully differential CMOS implementation of a second-order delta-sigma
modulator; (b) two-phase clock scheme.

and digital audio. Figure 1.14 shows a fully differential, switched-capacitor CMOS
implementation of a second-order delta-sigma modulator [9]. It consists of two para-
sitic-insensitive integrators, a comparator that serves as a 1-bit A/D converter, and
a two-level (1-bit) D/A converter. Use of a fully differential configuration attenuates
power supply noise, clock feedthrough, and even-order harmonic distortion. The
modulator operates on two-phase nonoverlapping clocks consisting of a sampling
phase and an integration phase. It achieves 16-bit dynamic range with an oversam-
pling ratio of 256 and a signal bandwidth of 20 kHz.
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As the examples above illustrate, present-day CMOS op-amps and comparators
and their use in analog MOS circuits have reached a certain level of maturity. Al-
ready, almost any analog signal processing task in the voice- or audio-frequency
range has a possible solution using such circuits. As fabrication technology and
circuits design techniques continue to advance, the speed and dynamic range of
these circuits will increase, allowing their use in such large-volume applications as
video and radio systems, image processing, high-speed transmission circuits, and
SO on.

PROBLEMS

" 1.1. Show that the circuit of Fig. 1.1a can realize the transfer function of Eq. (1.1).

What should be the element values R, L, and C?

1.2. Calculate the transfer function of the active-RC circuit of Fig. 1.1b. Assume
that the circuit is to realize the transfer function of Eq. (1.1). Write the available
equations for the element values. How many element values can be chosen
arbitrarily?
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CHAPTER 2

e —

MOS DEVICES AS CIRCUIT
ELEMENTS

In this chapter the physics of MOS (metal-oxide semiconductor) devices is discussed
briefly. The most important and simplest current—voltage relations are given, and
simple models introduced for MOS transistors in linear operation. The discussion
here is in the simplest possible terms, aimed at providing some physical understand-
ing of the highly complex device operation for the circuit designer. Precision and
depth have regretfully been sacrificed in the process. The ambitious reader is referred
to the excellent specialized works listed as references at the end of the chapter.

2.1. SEMICONDUCTORS

In metals (e.g., aluminum, copper, silver) that are good electrical conductors, the
atoms are arranged in a regular crystal array. The electrons from the outer (valence)
shell of the atoms are free to move within the material. Since the number of atoms,
and thus the number of free electrons, is very large (on the order of 10*> cm ™), even
a small electric field results in a large electron current—hence the high conductivity
observed for these metals.

The picture is quite different for an insulator such as silicon dioxide (Si05).
Here the valence electrons form the bonds between adjacent atoms and hence are
themselves tied to these atoms. Thus no free electrons are available for conduction
and the conductivity is very low.

Semiconductors (such as silicon or germanium) are in between conductors and
insulators in their electrical properties. At very low temperatures, the valence elec-
trons are bound to their atoms, which again form a regular lattice. However, as the
temperature is raised, due to the thermal vibrations of the atoms, some bonds will
be broken, and an electron escapes from each of these bonds. Such electrons are

17
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capable of conducting electricity. Furthermore, each fugitive electron leaves a charge
deficit (called a hole) behind in the bond. A valence electron in a bond close to a
hole can easily move over, filling the hole and leaving a new hole in its own bond.
The effect is the same as if the hole had moved from one bond to the next. Since
the hole ‘‘moves’’ in a direction opposite that of the moving valence electron, in
an electronic field it behaves like a positively charged particle.

Electrical conduction is thus possible for a semiconductor at room temperature.
The density of thermally generated electrons and holes is, however, much smaller
than that of the free electrons in metal. Typical numbers are 10'® charge carriers
per cubic centimeter for silicon and 10'? in germanium. In what follows, the currently
dominant material, silicon, is discussed exclusively.

Adding foreign elements (dopants) to the pure silicon can raise the number of
free charge carriers in a semiconductor. Silicon (and germanium) has four valence
electrons. If an atom of an element with five valence electrons (such as arsenic,
phosphorus, or antimony) is added to the semiconductor, it may take the place of
a silicon atom in the crystal lattice. Thus four of its valence electrons will participate
in the four bonds tying the atom to adjacent semiconductor atoms in the lattice. The
fifth valence electron of the foreign atom, however, will not have a place in any
bond and will thus be free to move away from its parent atom. Hence such a dopant
element (called a donor, since it contributes free electrons to the semiconductor)
enhances the conductivity of the material.

Adding atoms of an element with three valence electrons will also contribute to
the conductivity. Now there will be a bond lacking a valence electron for each dopant
atom. Thus each such atom creates one hole. These dopants (e.g., boron, aluminum,
and gallium) are called acceptors, since the holes will propagate by accepting bound
valence electrons from adjacent semiconductor atoms.

In doped semiconductors there will be carriers due to thermal effects as well as
to the donor (or acceptor) atoms. Materials containing donors will thus have both
free electrons and holes, but there will be more electrons than holes. Such semicon-
ductors will be called n-type, where n stands for negative. Materials containing
acceptors will have a majority of holes; they are called p-type semiconductors, where
p stands for positive.

A semiconductor structure can also be fabricated that contains two adjacent re-
gions of different types (Fig. 2.1). The surface joining the two regions is called a
pn junction. When the junction is fabricated, the random thermal motion of the

solder joint

——{ type | type ./_Y

/ wire
/

Figure 2.1. A pn junction diode. pn junction
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Figure 2.2. Ion layers in a pn junction,

majority carriers (electrons in the n-type region, holes in the p-type region) will
cause electrons to spill over from the n-type region to the p-type region. Vice versa,
holes will move from the p-type region to the n-type semiconductor. Thus this
random motion (called diffusion) results in the p-type semiconductor being charged
negatively while the n-type region is charged positively. The effect will be strongest
near the junction: There, in the p-type region, the negatively charged acceptor atoms
will no longer be neutralized by holes, and (in the n-type region) free electrons will
no longer surround the positively charged donor ions. Hence in this area a dipole
layer of fixed ions will be formed (Fig. 2.2). The electric field € created by the
dipole opposes further majority-carrier diffusion, but it helps the thermally generated
minority carriers (electrons in p-type regions, holes in n-type regions) to migrate
from one region to another. Thus, after a short transient, equilibrium will be obtained.
Four different carrier currents will flow: Majority carriers will move by diffusion
from region to region despite €, and minority carriers will flow aided by €. These
currents cancel each other in equilibrium, since the effects of € compensate for the
larger number of available majority carriers.

The equilibrium will be upset if a voltage source is connected to the wires soldered
to the semiconductor (Fig. 2.3). Assume first that the polarity of the source is such
that it makes the p-region more positive with respect to the n-region; that is, v > 0
in Fig. 2.3. Then v will reduce € and thus increase the current of majority carriers
held back by € from spilling over the boundary. Even a small reduction of € caused
by, say, a battery of v = 0.8 V can result in a large majority-carrier current (say,

depletion
region

Al -—

h—
+V- Figure 2.3. Circuit for testing a pn diode.
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Figure 2.4. Current versus voltage T 0.5 1
characteristics of a pn junction diode. s

i = 1 A) in the circuit. Hence v with the polarity indicated will be called forward
voltage and i forward current.

Let us now reverse the polarity of the voltage source so that v < 0 in Fig. 2.3.
Now v will aid € in obstructing the flow of majority carriers from region to region.
If vis large enough, the majority current is essentially eliminated, and only the flow
of minority carriers (electrons moving from the p region to the n region, and holes
moving in the opposite direction) remains. Since the number of minority carriers
is, however, small and nearly independent of v, the resulting net current will be
small and nearly constant. This is the case of reverse voltage and current. With the
reference directions used in Fig. 2.3, now i < (. Figure 2.4 illustrates the overall
behavior of i as a function of v. A detailed theoretical analysis [1, Sec. 4.3; 2, Sec.
6.6] reveals that the describing equation is, to a good approximation,

i = Ige?™ T — 1), 2.1)

Here Is is the saturation current, determined by the geometry and the material
properties of the device, ¢ = 1.6 X 107 '° C is the electron charge, and k = 1.38
X 1072 J/K is Boltzmann’s constant. T is the temperature of the semiconductor,
in Kelvin. At room temperature (" = 300 K), kT/g = 26 mV. Is is usually very
small, on the order of 10™° A or less. Thus i increases exponentially with » for v
> 0, while i = — I and is very small if v < 0 (Fig. 2.4).

The behavior of the region directly adjacent to the boundary between the p and
n regions is of prime importance. As mentioned earlier, the majority carriers are
very sparse in this area; some have immigrated into the other region, and the others
have been pushed back into the inside of their native region by the field €. Hence
the border area contains only the fixed ions, charged negatively in the p-type region
and positively in the n-type material (Fig. 2.3). This area is hence called the depletion
region. Its width increases with increasing €; hence it will be greater (smaller) for
reverse (forward) voltage v.

Due to the field €, a voltage &; (often called the built-in voltage) appears across
the depletion region for v = 0. The total potential across the junction, for v # 0, is
thus &; — v Typically, b; = 0.5t01 V.

For v < 0, the pn junction can be regarded as a capacitor, since only a small
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saturation current I flows for a dc voltage v, and since adjacent positive (+ Q) and
negative ( — Q) charges are stored in the depletion region (Fig. 2.3). Since the charge
stored is a nonlinear function of v, the capacitance is nonlinear. We shall define the
capacitance C by the incremental relation C = dQ/dv. It can then be shown [1, Sec.
3.3; 2, Sec. 6.5] that for the device illustrated in Fig. 2.3,

_ [ae/I2QUN, + LN
- [ =2

holds. Here €5 = 1.04 pF/cm is the permittivity of the silicon; €5 = €K, where
€ is the permittivity of free space (eo = 8.86 X 10~ '4 F/cm); and K~ 11.7 is the
dielectric constant (also called the relative permittivity) of silicon. A is the area of
the junction in square centimeters and N, (N,) is the number of acceptor (donor)
atoms per cubic centimeter. Note that C decreases with | v |. It can be shown [1,
Sec. 3.3] that the quantity under the square-root sign is (€s/x,)*, where x, (in centime-
ters) is the width of the depletion region; hence C = €zA/x, holds.

2.2. MOS TRANSISTORS [1, 2, Sec. 9.2]

Consider next the structure shown in Fig. 2.5. It is a sandwich of several layers:
From top to bottom, it contains layers of metal, silicon dioxide (SiO,, an excellent
insulator), p-type silicon, and a second metal layer connected to ground. It is called
a metal-oxide semiconductor (MOS) structure. Let v be negative, then an electric
field will be created across the dioxide layer, which will attract positive charges
(holes) to the region R under the top metal electrode (Fig. 2.5). Thus negative charges
will be stored in the top metal electrode and positive charges in R. The device will
thus behave as a capacitor C of magnitude

A
C=ex7, (2.3)

where €,, is the permittivity of the SiO,, and €,, = €p K,x = 0.35 pF/cm, where
K, is the dielectric constant of SiO; (K, = 3.9). A is the area of the top electrode,

metal v

Figure 2.5. Metal-oxide-semiconductor (MOS)

= structure,
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Figure 2.6. Capacitance versus voltage characteristics of an MOS structure.

and [ is the thickness of the SiO, layer.* The p-type Si layer between R and the
bottom metal layer behaves as a resistor; hence the overall structure simulates a
lossy capacitor.

Next, let v be a small positive voltage in Fig. 2.5. The electric field will now
repel holes. As a result, the fixed negatively charged ions in R will be abandoned
by the mobile holes, and a net negative space charge will appear in R, which is now
a depletion layer. Thus charge is again stored in the top electrode and a capacitor
is created. For very small values of v (v <€ 1 V), Eq. (2.3) will remain valid for the
magnitude of the capacitance. As the value of v is increased, however, the charge
in R becomes greater since the depletion region widens. Since the average ion is
now farther away from the surface, the effective value of / in Eq. (2.3) increases
and C decreases.

If vis increased even further, a new effect appears. Since the thermal generation
of holes and electrons occurs continuously in the semiconductor, if the field created
by a positive v is strong enough, it can attract thermal electrons to R; these will
then move to the surface. When this occurs, the capacitor stores positive charges in
the top electrode, while negative ones (electrons) are stored in the surface layer.
Thus, in Eq. (2.3), / again becomes the SiO, thickness, and hence C has the same
value as it had for negative voltage v. The overall behavior of C as a function of v
is illustrated schematically in Fig. 2.6, which also gives the names of the three
operating regions. The names of the first two are evident; the third one is called the
inversion region, since (due to the high voltage v) mobile electrons are attracted
into R, which thus behaves as an n (rather than a p)-type material. It should be noted
that since thermal electrons are generated at a slow rate, the voltage v must be
present for some time before the inversion layer is formed; hence it will not appear
if v is a high-frequency (say, f > 1 kHz) signal rather than a constant voltage.

Consider next the structure shown in Fig. 2.7. A new feature is the presence of
two n* (i.e., heavily doped n-type) regions in the p-type material. The one on the
left will be called the source; a voltage vs is connected to it. The »* region on the

* Often, the oxide thickness / is measured in angstroms (| A = 10~% cm). Usual values of / are between
50 and 200 A.
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Figure 2.7. MOS transistor.

right will be called the drain; its voltage is denoted by vp. The top metal electrode
will be called the gate; its voltage is vg. The body of the semiconductor is usually
called the substrate or bulk. The overall device is the MOS transistor. Its operation
is discussed briefly next.

Let the source be grounded, so that v¢ = 0. Also, let vp have a small positive
value, say 0.5 V. We will consider the behavior of the drain current ip as vg is
raised from zero to higher positive values. Since the gate is insulated from the rest
of the device by the oxide layer, it will not conduct any current. The n* drain
region and the surrounding p-type substrate form a pn junction. Since the substrate
is grounded, while up > 0, this junction is reverse biased. Hence for vg = 0,
fp = ().

As yg is increased, the region R under the gate will first be depleted, then inverted,
as discussed earlier in connection with Figs. 2.5 and 2.6. When R is depleted, ip
remains zero, since the area around the drain is still reverse biased. However, the
situation changes when v is so large that inversion occurs, so that R is filled with
electrons. Now, a layer containing mobile electrons, called an inversion layer or
channel, connects the drain to the source. Since the drain is positive with respect
to the source, electrons will flow from the source to the drain and a positive current
ip > 0 will be observed. The smallest voltage v; necessary to produce a channel
is called the threshold voltage and is denoted by Vy. Usually, V7 is given as the vg
value needed for ip = 1 pA; it may range from a fraction of a volt to several volts.

It should be noted that for the structure of Fig. 2.7, most of the electrons in the
channel do not originate from thermal effects in the bulk; instead, they are drawn
by the electric field due to vg out of the source. Some electrons are also drawn from
the drain; however, since vp = 0, the drain—substrate junction is more reverse biased,
and hence it is harder for electrons to escape from the drain.

Since a potential difference vp exists between the two ends of the channel, the
electrons in the channel will be attracted to the drain. Therefore, in addition to the
random thermal motion of the electrons, a steady motion (called drift) will occur,
which causes the current flow. For small vp, the channel will therefore behave as
a resistor, and hence ip = vp/R, where the channel resistance R is given by

L
Wi Qn|

R (2.4)
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pinch - off point

Figure 2.8. Pinch-off in an MOS transistor.

Here L is the length and W the width of the channel, and ., is the mobility of the
electrons in the channel,* defined by the relation (electron drift velocity) = (mobil-
ity) X (electric field). Finally, Q, is the charge density (in C/cm?) of the electrons
in the channel. Since v; can be considered as the sum of two terms,V (necessary
to maintain the depletion region under the channel) and vz — Vr (necessary to
maintain the channel), we have

0, = —Cox (v — Vy), (2.5)

where C,, = €/l is the capacitance (per unit area) of the oxide layer separating
the gate from the channel. Hence, for small vp (i.e., up <€ vg — V7), the relation

. w
Ip = Fncox E (UG - VT)vD {26)

holds. Thus the transistor acts as a resistor, with resistance R = [p,Cox W/iL(vg —
V)1~ controlled by vg.

If up is increased so that it is no longer negligible compared to vg, Eq. (2.6) will
become inaccurate. Since the potential of the channel at the grounded source is zero
while at the drain it is vp, we can assume that its average potential is vp/2. Hence
the average voltage between the gate and channel is (vg — vp/2). Replacing vg by
(vg — up/2) in Eq. (2.6) gives

. W U
ip = PnCox I (""G - Vr = '2"2)1-'0* 2.7)

Equation (2.7) remains a good approximation for vp < vg — V7. This range is

called the linear region (or triode region) of operation of the MOS transistor.
When vp = vg — V7, anew phenomenon occurs. Consider the situation illustrated

in Fig. 2.8, where only the structure near the semiconductor surface is shown, magni-

* The mobility in the bulk of the semiconductor is higher, since ., decreases with the concentration of
jonized impurities. Typical values are ., = 1000 cm?V - s for Np = 10'® cm™%, while w, = 100 cm®/
V.sforNp = 10 em™.
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fied. As the figure indicates, due to the variation of the potential along the channel,
the charge density Q, decreases near the drain. If v, = v — Vi, at the drain the
gate-to-channel voltage is no longer sufficient to maintain the channel. Thus the
depletion region surrounding the source, the channel, and the drain extends all the
way to the surface. This phenomenon is sometimes called pinch-off, and the region
where it occurs is the pinch-off point (Fig. 2.8). If up is increased further, the pinch-
off point will move toward the source, since the area where vz — vp = Vi will
increase. Hence the channel will now extend only from the source to the pinch-off
point, the latter being somewhere under the gate. The region between the pinch-off
point and the drain is depleted. Electrons from the channel are injected into this
depletion region at the pinch-off point and are swept to the drain by the field created
by the potential difference between the drain and the pinch-off point. The voltage
Ups 2 up — ws is thus divided between the two series-connected regions: the channel
between the source and the pinch-off point, and the depletion region between the
pinch-off point and the drain. Clearly, the latter has a higher resistance, and hence
most of vpg in fact appears across it. Any increase of vp will, to a good approxima-
tion, result in an equal voltage increase across the depletion region and will hardly
change ip. Thus, for vp > vz — Vi, from Eq. (2.7),

ip(tp) = Ipsat 2. ip(Upsar) (2.8)

— Fen Cl:lx E

2 L (UG - VT)2+

This phenomenon is called saturation; Upsy = vg — Vi is the drain saturation
voltage and ipg,, as given by Eq. (2.8), is the drain saturation current.

The drain current does, in reality, increase somewhat with increasing vp. This
can be attributed to the move of the pinch-off point toward the source for increasing
vp and hence to the shortened channel; as Eq. (2.8) indicates, ip increases as L is
reduced. As an approximation, this effect (often called channel-length modulation)
can be included in the formula for 5 (vp) in the form of an added factor (1 + Awp).
Here \ is a device constant that depends on L, on the doping concentration of the
substrate, and on the substrate bias (discussed in the next section). For L = 10 pm,
typically A = 0.03 V~'; generally, A = 1/L.

It is usual to introduce the abbreviations k" & w,,Cox/2 and k 2 k” (W/L). Then
the saturation current given by Eq. (2.8) becomes

ip = k(vg — VX1 + Aup), v = Vr, (2.9)

which incorporates channel-length modulation. Figure 2.9 shows the variation of ip
with vg for constant vp. Figure 2.10 illustrates its dependence on up for various vg
values, where vg, < U < Uz + .

All derivations of this section were performed for the structure shown in Fig.
2.7, whose source, drain, and channel were all n type. This device is called an n-
channel MOS, or NMOS transistor. A similar arrangement can be constructed by
creating p* drain and source diffusions in an n-type substrate. Now a negative vg
is needed to create a p-type channel under the gate, and a negative vp is used to
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attract the holes in the channel to the drain. Also, ip will be negative if the reference
direction of Fig. 2.7 is used. The resulting device is called a p-channel MOS or
PMOS transistor. Formulas (2.3) to (2.9) remain valid if some small changes are
made. The mobility p, of electrons must be replaced by p,, the hole mobility in
the channel. As would be expected from the more elaborate mechanism of hole
conduction, p, < p,. Typical mobility values in the channel region for an impurity
concentration of 10' cm™ are p,, = 1000 cm%V - s and w, = 400 cm%*V - 5. The
electron charge density Q, in the channel is to be replaced by Q,, the hole charge
density; also, a negative sign must be included in Egs. (2.6) to (2.9) to account for
the change in the charge of the carriers. Finally, vp must be replaced by |up| in Eq.
(2.9), since now vp < 0. In conclusion, Eq. (2.7) becomes

U

ip = —2k (UG - Vr — ?") Up. (2.10)

Here k £ .,CoxW/2L and V7 < 0. Equation (2.10) describes the drain current charac-
teristics in the linear range. The behavior of ip in the saturation region can be
obtained by modifying (2.9):

ip = —k(vg — Vo)1 + X |up)). (2.11)
I
I.D va = VG- VT
linear -— | — saturation region Vas
ragion |
Vas
Va4
Va3
Figure 2.10. Drain current versus Va2
drain-to-source voltage characteristics Va1

of an MOS transistor.
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Figure 2.11. Transistor symbols.

The circuit symbols used for NMOS and PMOS transistors are shown in Fig. 2.11a
and b, respectively. If the type is unimportant, the simplified symbol of Fig. 2.11¢
may be used for both NMOS and PMOS devices.

Since the operation of the devices described in this section is dependent on the
electric field induced by the gate voltage, they are called field-effect devices (FETs),
or MOSFETs.*

Since PMOS transistors are more easily fabricated than NMOS transistors, they
were initially predominant. However, later, when the techniques for the reliable
production of NMOS devices were developed, the latter became standard. The main
reason for this is the higher mobility of electrons, which makes the NMOS transistors
faster than PMOS transistors.

2.3. MOS TRANSISTOR TYPES: BODY EFFECT

The MOS transistors described in Section 2.2, both NMOS and PMOS types, share
several features. In the structure, the gate is insulated electrically from the rest of

* Since the charge carriers here are either electrons or holes (not both), FETs are also sometimes called
unipolar devices, to contrast them with bipolar transistors, in which both electron and hole currents exist.
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— ] depletion MOSFET

Figure 2.12. Symbols for depletion-
mode transistors,

the device by the SiO, layer under it. Hence it is often called an insulated-gate
field-effect transistor (IGFET). Also, the voltage v; induces and enhances the drain
current. Thus the devices described operate in the enhancement mode.

It is also possible to fabricate an MOS transistor that conducts drain current when
vg = 0. For example, an n-type layer can be introduced by doping, which connects
the source and drain of an NMOS device. With such a doped channel, the field of
the gate is not needed to produce an inversion layer; the region R (Fig. 2.7) now
has a *‘built-in’’ conducting n-type channel.

However, if a negative gate voltage is applied, the field thus created will repel
electrons and create a depletion layer in the channel adjacent to the SiO; surface,
thereby reducing the conductivity and thus the drain current. If the magnitude of
the negative gate voltage is sufficiently large, the channel becomes completely de-
pleted and ip = 0 results. The value v at which this occurs is again called threshold
voltage and is denoted by Vy. Now, however, V; < 0. Such a device is called a
depletion-mode FET.

It should be noted that even without a doped layer, an NMOS transistor can
conduct for ys = 0 due to oxide charges [1, Sec. 7.4] if the bulk is very lightly
doped. It is also possible to create a depletion-mode PMOS device, with V; > 0,
by establishing a p-type doped channel.

The relations (2.6) to (2.11) remain valid for depletion-mode devices if the value
and sign of V is chosen appropriately, as described above. Two symbols often used
to denote depletion-mode MOSFETs are shown in Fig. 2.12.

A totally different structure can also be used to produce a depletion-mode field-
effect transistor (Fig. 2.13). Here, a lightly doped n-type layer (channel) connects

the n* source and drain regions and the gate is a p™ region implanted in this layer.
Hence, for vg = v = 0 and vy = 0, a drain current will flow. If vg; is made nega-

tive, the p* implant acting as the gate will be surrounded by a depletion layer;
the greater |vg|, the deeper the layer. The mobile electrons in the channel cannot

Si0,

depletion
regions

pn junction

p substrate

Figure 2.13. Junction field-effect transistor.
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enter this depletion layer, or the one along the pn junction between the channel and
the substrate. Hence the effective cross section of the channel is reduced as |vg| is
increased. At some value vz = Vp (Vp < 0), ip becomes zero (in practice, < 1
iA). Thus Ve plays the same role as Vi for a depletion-mode MOSFET; it is called
the pinch-off voltage. It can be visualized as the gate voltage, which causes the two
depletion regions in the channel to merge, leaving no conductive path between source
and drain.

The device described and shown in Fig. 2.13 is called an n-channel junction field-
effect transistor (JFET), since its gate is separated from the rest of the device by a
reverse-biased pn junction rather than by an SiO; layer as for the MOSFET (IGFET).
Since the JFET is hardly ever used in analog MOS integrated circuits, it is not
discussed in detail here. A clear description of its physics and current—voltage charac-
teristics 1s given in Sec. 2.5 of Ref. 1.

Next, a key limitation (called the body effect) of MOSFETS used as analog circuit
elements is described. In the discussion in Section 2.2 it was always assumed that
both the bulk and source are grounded, so that vz = w5 = 0 held. Often, circuit
considerations make this convenient arrangement impossible and vg # v must be
used. Obviously, the voltage vs — vz must be such that the source—bulk junction
is reverse biased; otherwise, a large junction current will flow inside the transistor.
This current may damage the device, and in any case will impede its proper operation.
Thus, say, in an NMOS transistor, the bulk must be biased to make it negative with
respect to both source and drain.

If the source potential is not zero, the voltages v and vp must be replaced in all
equations by vgs = vs — vs and vps = vp — ws, respectively. In addition, the
depletion region around the channel (Fig. 2.8) will become wider if the reverse
voltage between the bulk and the source (and hence the channel) is increased. Since
the voltage v; = Vi is the gate voltage necessary to maintain the depletion region
(without creating a channel), V7 will increase in magnitude. The dependence of V7
on the voltage vsp 2 vs — wvg can be shown [1, Sec. 8.2] to be in the form

V| = [Vro| + Y(V2[d,| + |ussl — V2Idy))- (2.12)

Here, Vipy 1s the threshold voltage for vz = 0 and -y is a device constant given by

\ zesqN mp

Y= (2.13)

In Eq. (2.13), es is the permittivity of silicon: €5 = €,Ks, Kg = 11.7. Also, Ny,
is the density of the impurity ions in the bulk. For NMOS, Ni,,, = Ny, the acceptor
ion density; for PMOS, Ni,, = Np., the donor ion density. For example,
for Nimp = 10" cm™* and 800 A oxide thickness (i.e., Cox = 4.4 X 107* Flem?),
v = 0.423V'2, Finally, ¢, is a material constant* of the bulk; its value is around
03 V.

* &, L (E, — Eplg, where E, is the intrinsic Fermi energy and E; the Fermi energy of the semiconductor
(1, p. 318].
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TABLE 2.1. Key Units and Constants for MOS Transistors

lpm=10"%cm = 10* A

1 mil = 254 pm = 0.0254 mm

Electron charge (magnitude). g = 1.6 X 107 C

Permittivity of free space: ¢ = 8.86 X 107" F/lem

Permittivity of silicon: €; = &K, = 1.04 X 107" Flem; K; = 11.7
Permittivity of silicon dioxide: €,, = &Kox = 3.5 X 107" Flem; K, = 3.9
Oxide capacitance: Co, = €nxffox = 3.5 X 10713 Flem?

Intrinsic carrier concentration: i; = 1.5 X 10°%cm ™3, T = 300 K
Boltzmann's constant: k = 1.38 X 1072 J/K; kT/g (at T = 300 K) = 0.026 V
Electron mobility in Si (Nimp = 10'7 cm ™3, T = 300 K): 670 cm*/V - s

Hole mobility in Si (Nimp = 10"7em ™%, T = 300 K): 220 cm?/V - s

29K N, =
Body-effect coefficient: y = %ﬂl‘;ﬁ*—* = 1.67 X 1073 gem y/NEm y12
kT N, -3
Bulk potential: ¢, = — 7 In ;,:E = 0.026 In (0.67 X 10~'° Nz )

This phenomenon, the body effect, is a major limitation of MOS devices operated
with vg # up; its evil influence will be lamented repeatedly later in the book. As
Egs. (2.12) and (2.13) show, to reduce the body effect, Ny, should be made small.
However, for very small N, values (say, N; < 10'* cm™3), an NMOS may behave
as a depletion-mode device, as explained earlier. Thus the body effect cannot be
eliminated completely. Some key constants and formulas on MOSFET's are summa-
rized in Tables 2.1 and 2.2.

2.4. SMALL-SIGNAL OPERATION AND EQUIVALENT CIRCUIT OF
MOSFET TRANSISTORS

Earlier the physical principles and basic operation of MOS transistors were discussed
briefly, and formulas derived that gave the drain current as a function of the voltages
and/or currents at the various terminals of the device. In these earlier discussions it
was assumed that all voltages and currents were constant or that they varied suffi-
ciently slowly so that all capacitive currents (and hence all capacitances themselves)
could be neglected in the discussions. On the other hand, the formulas derived were
valid for large as well as small voltage and current variations.

In many important linear applications (such as operational amplifiers, discussed
in Chapter 4) the voltages and currents of the transistor vary so rapidly that capacitive
effects cannot be ignored, and hence the capacitances of the device must be included
in the analysis. At the same time, in such circuits the signals are sufficiently small,
so that linear approximations may be used in all nonlinear relations. This simplifies
the equations and permits the use of linear models (simple linear equivalent circuits)
for these nonlinear devices.
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In the following discussion, we concentrate on the linearized approximation and
modeling process for MOSFETSs operating in their saturation regions, which is the
usual condition for linear (analog) operation. Afterward, we give a brief overview
of the linearization and modeling for devices that operate in their triode (nonsatu-
rated) or cutoff region. Assuming an NMOS transistor, and combining Eqgs. (2.9)
and (2.12), the relation

ip = k(vgs — Vo — YV20, + vsp + YV24,)%(1 + Aups)  (2.14)

results. Here we used vgs 2 v — vs and vps & vp — Us to replace vg and vp,
since in general vs # 0. For small variations of ip, vgs, tps, and vsg, the nonlinear
expression (2.14) can be replaced by a first-order Taylor approximation. Specifically,
near a constant bias point i, = f (vg&s, vds, v3a) we can write

dip \ dip \ dip |
i+ Aip=1i) + (—D) Avgs + (ﬁ) Avps + (ﬁ;) Avgp.

avas

(2.15)

Here (9ip/dvgs)° and so on denote the partial derivatives evaluated at the bias point.
Aip is the deviation (increment) of ip from its bias value; Avgs, Aups, and Avsp
are the increments of vgs, Ups, and vgg. All deviations must be small for Eq. (2.15)
to hold. If only the incremental (small-signal ac) components are of interest, Eq.
(2.15) can be written as

Aip = gm Avgs + 84 Avps + 8m Ausa, (2.16)

G OmbAVgg Aig D

o ' j . o

+ gm&vescl) %’ ] é +

Aves ' Avpg

—_ o8 -
+
QVSB

s

Figure 2.14. Low-frequency equivalent circuit of a MOSFET.
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where

. 0 . .
alp afp alp

0 0
AN bl —
Em = (aUGS) ’ 8a é (at-bg) ’ Emb i (avsg) . (2*1?)

Here g, is the (incremental) drain conductance; g,, and g,,, are transconductances
that can be represented by voltage-controlled current sources (VCCSs). Hence an
equivalent-circuit model, shown in Fig. 2.14, can be constructed. The values of g,,,
gmpb, and g can be found from Eq. (2.14):

dip |
gm 2 (ﬁ) = 2U(vls = Vro = YV24, + s + YW2)(1 + Avhy)
= V(1 + Aode)i%, (2.18)
5 0
i
gmbg (&f}_si) = _k(UDGS = Vpo — Y 2¢'P + Ugﬂ + TVZd}P)
X (1 + Aedg) ———— (2.19)
\/ 2¢p + ‘023
I ! L
v zd)p + Ugg '
dip \
242 ( a;;] = k(s — Vm — Y2, + B + YV24,7A (220)
SR S
1+ KUE)S

Hence, to a good approximation, g,, and g,,, are proportional to \/E, while g, is
proportional to i%.

The other important components of the complete small-signal model of the MOS-
FET are the capacitors representing the incremental variations of stored charges with
changing electrode voltages. These play an important role in the high-frequency
operation of the device. The intrinsic components of the terminal capacitances of
the MOSFET devices (associated with reverse-biased pn junctions and with channel
and depletion regions) are strongly dependent on the region of operation, while the
extrinsic components (due to layout parasitics, overlapping regions, etc.) are rela-
tively constant. Assuming again that the transistor operates in the saturation region,
it can be assumed that the channel begins at the source and extends over two-
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thirds of the distance to the drain. In this region of operation. the most important
capacitances are the following:

1. Ceut Gate-to-Drain Capacitance. This is due to the overlap of the gate and
the drain diffusion. It is a thin-oxide capacitance. and hence to a good approxi-
mation can be regarded as being voltage independent.

2. C,: Gate-to-Source Capacitance. This capacitance has two components:
Cgsov. the gate-to-source thin-oxide overlap capacitance, and C;.S, the gate-to-
channel capacitance. The latter (in the saturation region) is around ECM, where
C,. 1s the total thin-oxide capacitance between the gate and the surface of the
substrate. In the triode region, Cy; = Cox. C,, is nearly voltage independent
in the saturation region.

3. Cg: Source-to-Substrate Capacitance. This capacitance also has two compo-
nents: Cg,,. the pn junction capacitance between the source diffusion and the
substrate, and C;, which can be estimated as two-thirds of the capacitance
of the depletion region under the channel. The overall capacitance C,, has a
voltage dependence which is similar to that of an abrupt pn junction.

4. Ca! Drain-to-Substrate Capacitance. This is a pn junction capacitance and
is thus voltage dependent.

5. Cop: Gate-to-Substrate Capacitance. This capacitance is usually small in the
saturation region; its value is around 0.1C,,.

Figure 2.15 illustrates the physical structure of an NMOS transistor and the locations
of the capacitances in the cutoff (Fig. 2.15a). saturation (Fig. 2.15b). and nonsatura-
tion or triode (Fig. 2.15¢) regions. Table 2.3 lists the terminal capacitors of the
NMOS device and their estimated values in the three regions of operation. The
notations used are those shown in Fig. 2.15a to ¢. Figure 2.16 depicts the complete
hlgh-frequency (ac) small-signal model of the MOSFET. In analvzing the small-
signal behavior of MOSFETs. the model of Fig. 2.14 can be used if onlv low-
frequency signals are present: if the capacitive currents are also of interest. the circuit
of Fig. 2.16 must be applied.

From the models of Figs. 2.14 and 2.16 and accompanying discussions. a number
of general statements can be made about the desirable construction of a MOSFET:

I. For high ac gain. g., should be large. This will be the case, by Eq. (2.18). if
k & (n,CoxW)/2L 1s large. Thus the oxide should be thin to maximize C,,
(which is the oxide capacitance per unit area); also, W/L should be as large
as possible. These measures, however, tend to increase the size and thus the
cost of the integrated circuit. Also, by Eq. (2.18), the quiescent (bias) current
iy should be as large as the allowable dc power dissipation permits.

2. As the negative sign in Eq. (2.19) indicates, the body effect reduces the gain.
To minimize g4, by Egs. (2.19) and (2.13), we need large C,,, small Nimp
(i.e.. lightly doped substrate), and a large bias voltage %z for the source.
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Figure 2.15, Parasitic capacitances in MOSFET in the (a) cutoff region, (b) saturation region,
and (c) triode region.

(Of course, if vsp is constant, no incremental body effect occurs and these
requirements are irrelevant.)

. Ideally, the MOSFET in saturation should behave as a pure current source.
Hence, as Fig. 2.14 illustrates, g, should be small. By Eq. (2.20) this requires
a small bias current %, a large bias voltage v/5, and a small \. Since \ is
introduced by channel-length modulation, it can be reduced by increasing L
and also [1, Sec. 8.4] by increasing Np,,. A summary of the formulas derived
in this section is given in Table 2.4,
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Figure 2.16. High-frequency equivalent circuit of a MOSFET.

Next, we discuss briefly the linear model of a MOSFET that is biased in its nonsatu-
rated (triode) region. Usually, such a device is used as a switch that is opened or
closed (turned on or off) by a large gate voltage or as a fairly linear large-valued
variable resistor. Hence, here we derive its model only to analyze its behavior in
such applications. We assume that ugy is constant and that g,., < g4 and hence
negligible. Under these conditions it can be seen from Eq. (2.7) that when the device
conducts drain current, it behaves like a resistor connected between the drain and
source terminals. The equivalent small-signal drain-to-source resistance for the case
of upg near zero is given by

1 1
— 2.2]
s 8ds 2k(ves — Vro) ( )

and is thus controlled by the gate voltage overdrive v&s — Vyop.

In high-frequency application, the device capacitances must also be included in
the model. A simple equivalent circuit is shown in Fig. 2.17. Since now a continuous
channel extends from the source to the drain, the gate-to-channel capacitance Cp,
is connected to both the drain and the source. An accurate high-frequency representa-
tion of the channel should include a distributed resistive line extending from the
source to the drain and capacitively coupled to both the gate and the substrate.
However, as a first approximation, Cg, can be treated as a lumped capacitance
partitioned equally between C,, and C,,, as indicated in the last row of Table 2.3.

Finally, if the device is cut off, no channel exists and the model contains only

Cod D Cdb

ds

C
| _ T Figure 2.17. High-frequency model of a MOSFET in its
\ s I triode region.
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Il | Figure 2.18. High-frequency model of a MOSFET in its
I s i cutoff region.

the capacitances, with the values listed in the first row of Table 2.3. A simplified
model of a MOSFET in the cutoff region is shown in Fig. 2.18, where the
drain—source resistance is infinity and C,, and C,, capacitors are due to gate overlap
and fringing capacitances. The gate-to-substrate capacitance Cyy in the cutoff region
is, however, highly nonlinear, and for the gate-to-source voltage around zero its
value is approximately equal to WL'C,,,, where L’ = L — 2L, and L,, is the length
of the overlap between the gate and the source—drain diffusion regions.

2.5. WEAK INVERSION

The triode and saturation regions of operation discussed earlier in this chapter assume
that the device is operated in strong inversion and Vg — Vi = 100 mV (for an
NMOS transistor). If Vs — V¢ < 100 mV, the device is in the weak inversion
region (also called the subthreshold region) and operation of the n-channel MOS
transistor with the source connected to substrate is more accurately described by
the following exponential relationship between the gate-to-source control voltage
and drain current:

Ip = %Ime""’m’""ﬁ, (2.22)

where
1 (nk 2
Ipo = poCox - ( p ’ e (2.23)

and the parameters m and n are defined in terms of the various capacitances in the
device [3]. Equation (2.22) assumes that the device is operated with Vpg = kT/q.

The MOS transistors operating in the weak inversion region, similar to bipolar
devices, have an exponential relationship. However, since /g is very small (on the
order of 10 to 20 nA), the available current to charge and discharge capacitances is
also small, resulting in poor frequency performance. In practice, MOS transistors
are operated in weak inversion only in low-frequency applications when low power
consumption is desired.
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2.6. IMPACT IONIZATION [4]

One of the severe problems in submicron MOS technologies operating at supply
voltages around 5 V is impact ionization. Figure 2.19 illustrates an n-channel MOS
device cross section showing the impact ionization current flow and the /-V charac-
teristic as a result of impact ionization. As depicted in the figure, when the drain-
to-source voltage 1s increased, the strength of the electric field at the drain end of
the channel eventually becomes high enough to induce significant impact ionization
current which originates from the drain depletion region and flows into the substrate.
Once this happens the current that flows into the drain terminal has two components.
One component is the MOS transistor channel current that flows from the drain to
the source, and the other is the impact ionization current that flows from the drain
to the substrate. The impact ionization current is not a function of the transistor
channel length, and the magnitude of the current is not reduced dramaticaily simply
by making the length longer. The current is largely determined by the peak electric
field, which in turn is a function of the gate oxide thickness, drain junction depth,
doping concentration in the substrate, the voltage between the drain terminal and
the drain end of the channel region, and the gate-to-drain voltage. In technologies
with feature sizes in the range of 2 pm, for an n-channel MOS device. the impact
ionization current equals 1% of the drain current when the voltage between the drain
and the drain end of the channel is in the range 4 to 9 V, and the device is biased

{a)

o

(b)
Figure 2.19. (a) An n-channel MOS device cross section showing mrws= swzan - rrent
flow; (b) I~V characteristic observed as a result of impact iomzanoe
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in the saturation region. In p-channel MOS devices the effect occurs at substantially
higher field strengths.

The impact ionization has several potentially damaging side effects. One serious
negative consequence shown in Fig. 2.19b is degradation of the transistor output
impedance, which results in reduced gain in amplifier stages that use transistors as
active loads. One way to deal with this problem is through circuit techniques, where
a shielding n-channel device is placed in series with the transistor, preventing it
from having a Vg greater than half the supply voltage [4]. The second damaging
effect is the possibility of triggering latchup due to the ochmic drop induced by the
ionization current that flows into the substrate. Latchup is a phenomenon caused by
the parasitic lateral pnp and npn bipolar transistors created on the chip. The collectors
of each transistor feed the other’s base, and this creates an unstable device similar
to a pnpn thyristor [5]. This causes a sustained dc current that may cause the chip
to stop functioning and may even destroy it. Latchup may be prevented by proper
substrate strapping and using guard rings to surround some critical transistors on
the chip. Another strategy is to reduce the substrate resistance. In this method the
p- and n-channel transistors are formed in a lightly doped epitaxial layer that 1s
grown on a low-resistivity substrate. Finally, the third serious side effect of impact
ionization is the threshold shift of the MOS device due to the continuous operation
in the impact ionization mode. This phenomenon is due to the high electric field
which creates high cnergy carries that can be trapped in the gate oxide, resulting in
long-term threshold shift. Several process modifications have been proposed that
are effective at raising the voltage at which impact ionization becomes a problem.
One technique is to lower the impurity gradient in the drain junction using lightly
doped drain (LDD) structures.

2.7. NOISE IN MOSFETS

There are three distinct sources of noise in solid-state devices: shot noise, thermal
noise, and flicker noise.

Shot Noise

Since electric currents are carried by randomly propagating individual charge carriers
(electrons or holes), superimposed on the nominal (average) current /, there is always
a random variation i,s. This is due to fluctuation in the number of carriers crossing
a given surface in the conductor in any time interval. It can be shown that the mean
square of i,s is given by

2, = 2qI Af, (2.24)

where ¢ = 1.6 X 107'? C is the magnitude of the electron charge and Af is the
bandwidth. This formula only holds, however, if the density of the charge carriers
1s so low and the external electric field is so high that the interaction between the
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Figure 2.20. Thermal noise in a resistor: (a) noisy resistor; (b) and (c¢) equivalent circuits.

camers 1s negligible. Otherwise, the randomness of their density and velocity is
reduced due to the correlation introduced by the repulsion of their charges. The
noise current is then much smaller than predicted by Eq. (2.24).

In a conducting MOSFET channel, the charge density is usually high and the
electric field is low. Therefore, Eq. (2.24) does not hold. The noise current due to
random carrier motions is hence better described as thermal noise, which is discussed
next,

Thermal Noise

In a real resistor R, the electrons are in random thermal motion. As a result, a
fluctuating voltage v, appears across the resistor even in the absence of a current
from an external circuit (Fig. 2.20a). Thus the Thévenin model of the real (noisy)
resistor is that shown in Fig. 2.20b. Clearly. the higher the absolute temperature T
of the resistor, the larger v,7 will be. In fact, it can be shown that the mean square
of v,z is given by

v = 4kTR Af. (2.25)

Here k is the ubiquitous Boltzmann’s constant, and Af is the bandwidth in which
the noise is measured. in hertz. (The value of 4kT at room temperature 1s about 1.66
X 107°V - C)

If Eq. (2.25) was true for any bandwidth, the energy of the noise would be infinite.
In fact, however, for very high frequencies (=10'* Hz) other physical phenomena
enter, which cause v} to decrease with increasing frequency so that the overall
noise energy is finite.

The average value (dc component) of the thermal noise is zero. Since its spectral
density v};/Af is independent of frequency (at least for lower frequencies), it is a
white noise. Clearly, Fig. 2.20b may be redrawn in the form of a Norton equivalent
that is as a (noiseless) resistor R in parallel with a noise current source i,r (Fig.
2.20c). The value of the latter is given by

i2, = 4KTG Af, (2.26)

where G = 1/R.
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Figure 2.21. Equivalent models of the thermal noise in a MOSFET.

Since the channel of a MOSFET in conduction contains free carriers, it is subject
to thermal noise. Therefore, Eqgs. (2.25) and (2.26) will hold, with R given by the
incremental channel resistance. The noise can then be modeled by a current source,
as shown in Fig. 2.21a. If the device is in saturation, its channel tapers off (Fig.
2.8) and the approximation R = 3/2g,, can be used in Eq. (2.26).

In most circuits it is convenient to model the effect of i,, caused by a voltage
source connected to the gate of an (otherwise noiseless) MOSFET (Fig. 2.21b). This
“‘gate-referred’’ noise voltage source is then given by

— 4 2
vir = (I—“I) 2 ;T Af. (2.27)
i m

Both i,rand v,r depend thus on the dimensions, bias conditions, and temperature
of the device. As an example of their orders of magnitude for a transistor with W
= 200 pm, L = 10 pm, and Cox = 4.34 X 107" Flcm® (corresponding to an oxide
thickness of 800 A) which is operated in saturation at a drain current ip = 200 pA,
the gate-referred noise voltage at room temperature is about 9 n‘W\/— .

If the device is switched off, R becomes very high, and the equivalent noise
circuit will be a current source with a value given by Eq. (2.26). Clearly, i2r is very
small; hence for usual (low or moderate) external impedance levels, the MOSFET
can be regarded as a noiseless open circuit if it is turned off.
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Flicker (1/f) Noise

In an MOS transistor. extra electron energy states exist at the boundary between the
Si and SiO.. These can trap and release electrons from the channel, and hence
introduce noise [6.7). Since the process 1s relatively slow, most of the noise energy
will be at low frequencies. As before. a possible model of this noise phenomenon
is a current source in parallel with the channel resistance. The dc value of noise
current is again zero. Its mean-square value increases with temperature and the
density of the surface states: it decreases with the gate area W X L and the gate
oxide capacitance per unit area C,,. For devices fabricated with a “*clean’’ process,
the gate-referred noise voltage is nearly independent of the bias conditions and is
given by the approximating formula

- _ _K JXf
Ty = C..WL f .

(2.28)

Here K depends on the temperature and the fabrication process; a typical value [8,
p. 31}1is 3 x 107> V* . F. For the transistor described in the preceding example,
the formula gives a noise voltage of 83 nV/\/Hz at f = 1 kHz. As before, the
equivalent channel current noise is related to v3 by the formula i iZ = g,.,,vzf

The noise process described 1s usually called flicker noise or (in reference to the
1/f factor in vz and i) 1/f noise. As the example given illustrates, at low frequencies
(say. below 1 kHz) it is usually the dominant noise mechanism in a MOSFET.

In conclusion, the channel noise in a MOSFET can be modeled by an equivalent
noise current generator, as in Fig. 2.21a. In the small-signal model this generator
will be in parallel with the current sources g,,vgs and g,»vss (Fig. 2.16). Its value
can be chosen as the root-mean-square (RMS) noise current, which from Eqgs.

(2.26)—(2.28) is
il‘l = Vi 2 + ;if (229)

Kgm
Y v

Note that the mean squares of the noise currents are added, since the different noise
mechanisms are statistically independent. Alternatively, the noise can be represented
by its gate-referred voltage source (Fig. 2.214), in series with the gate terminal. The
value of the source is i,/g,,, with i, given by Eq. (2.29).

2.8. CMOS PROCESS

The CMOS process provides the most flexibility to the circuit designer, due to the
availability of complementary MOS devices on the same chip. The original motivation
for developing the CMOS technology was the need for low-power and high-speed
logic gates for digital circuits. The required isolation between the two different device
types is accomplished by the use of ‘‘wells,”’ that is, large, low-doping-level deep
diffusions, which serve as the substrates for one of the two device types. As an example,
Fig. 2.22 shows part of an n-well CMOS chip, where high-resistivity p-type substrate
is used for the n-channel devices, and diffused n wells for the p-channel devices.
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Figure 2.22. Device structure fabricated in a high-performance n-well CMOS process.

As will be shown in later chapters, a CMOS circuit can be operated with a single
power supply, and it can be used to realize high-speed, high-gain, low-power analog
amplifier stages. An additional advantage is that for the devices in the well (in Fig.
2.22, the PMOS transistor), the source can be connected to the well, thereby eliminat-
ing the body effect, and if the device is used in an amplifier, increasing the gain of
the circuit. This, however, results in a large stray capacitance between the source and
the substrate, due to the large size of the well-to-body interface. Another important
advantage of the CMOS process is the availability of transmission gates made of a
parallel connection of complementary transistors that can be used as switches. When
such transmission gates are used, the signal is no longer limited to a level, which
is a threshold voltage below that of the high clock signal, as is the case when single-
channel switches are used. In addition, in CMOS chips a bipolar transistor can be
fashioned from a source diffusion, the well, and the substrate. This can be used in
an emitter-follower buffer stage (described later), in a bandgap voltage reference
circuit, and so on.

In addition to transistors, analog MOS circuits usually require on-chip capacitors,
and sometimes also on-chip resistors. In a silicon-gate ‘‘double-poly’’ process, a
second layer of low-resistivity polysilicon is available for use as an interconnect or
for the formation of a floating gate for memory applications. These two layers of
polysilicon can also be used as the top and bottom electrodes of a monolithic capaci-
tor. Figure 2.22 shows the construction of a capacitor with two polysilicon electrodes.
Resistors can be created on an MOS chip using a diffused or implanted layer on
the surface of the substrate. Since the sheet resistance of these resistive layers is
relatively low (typically 25 to 70 {} for a square layer), the size of the resistors
obtainable on a reasonably small area is limited to about 100 k(). The higher resistiv-
ity well diffusion is also available as a resistor. This resistor, however, has much
higher voltage and temperature coefficients compared to diffused or implanted ones.

'PROBLEMS

2.1. A pnjunction diode is connected to an external voltage vin the forward direction
(Fig. 2.3). Reversing the polarity of the voltage reduces the current by a factor



46

Figure 2.23. Circuit for Problem 2.8.

2.2.

2.3.

24.

2.5.

2.6.

2.7.

2.8.

2.9.
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10°. Assume that the diode satisfies Eq. (2.1) and is at room temperature. What
is v?

For a pn junction (Fig. 2.3), Ny = Np = 10" ions/cm’, [ = 5V, A = 0.34
mm?, and the measured value of C is 27 pF. How much is x, the width of the
depletion layer? How much is ¢,?

Using the definition R = 1 /(dip/dVps), calculate the channel resistance of an
NMOS transistor from (a) Eq. (2.6), (b) Eq. (2.7), and (¢) Eq. (2.9).

For an NMOS transistor, w, = 10° cm?/V-s, the thickness of the gate oxide is
10° A(1 A = 10"%cm), W = 25 um, and L = 5 pm. The threshold voltage
is 4 V., Calculate ip for vg = vg = 0 Vand yg = 6 V, and (a) vp = 0.1 V,
(b)vp = 2V, and (¢) yp = 4 V.

Repeat the calculations of Problem 2.4 if vs = 0, y3 = —3 V,and ¢, = 0.3
V. What conclusions can you draw from your results regarding the body effect?

For an NMOS transistor. K = 2 pA/V2, W = 30 um, L = 10 pm, &, = 0.3
V.y = 1.5 V7. and A = 0.03 V™. Find the incremental conductances g,y,,
g4, and g, for vgg = 0V, vhs = SV, and i, = 10 pA. Repeat your
calculations for veg = 2 V!

An NMOS switch transistor has a gate-to-source voltage vgs > V7. Its drain
is open-circuited. How much is vps? Why?

In the circuit of Fig. 2.23, the switch § is opened at 1 = 0. (a) Is the transistor
operating in its linear or saturation region? (b) Neglecting body effect and
channel-length modulation, find »(r) by solving the appropriate differential
equation for the circuit.

In the circuit of Fig. 2.24 a noise voltage v, is generated due to thermal and

1k
-

6

Figure 2.24. Circuit for Problem 2.9. -

$
R3 vy
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Figure 2.25. Circuit for Problem 2.10.

shot-noise effects. For what value of R will the two noise voltages v, and v,
be equal?

2.10. Calculate the incremental impedance duw/di seen at node A of the circuits
shown in Fig. 2.25.

2.11. Show that the transconductance g,, in the saturation region is equal to the
drain conductance in the triode region for a given device and a fixed V.
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CHAPTER 3

BASIC ANALOG CMOS SUBCIRCUITS

In this chapter some of the basic subcircuits commonly utilized in analog MOS
integrated circuits are examined. These blocks include a variety of bias circuits,
current mirrors, single-stage amplifiers. source followers, and differential stages.
These subcircuits are typically combined to synthesize a more complex circuit func-
tion. The operational amplifier and comparator, covered in later chapters, are exam-
ples of how simple subcircuits are combined to form more complex functions.

The first part of this chapter covers the subject of the bias circuits in CMOS
technology and the current mirrors. Next, the CMOS gain stage is introduced, with
particular emphasis on the use of active devices as active loads. The current mirror
subcircuit covered as a biasing element is utilized as a dynamic load to obtain very
high voltage gains from a single-stage amplifier. The differential amplifier, which
represents a broad class of circuits, is discussed next. The differential amplifier is
one of the most widely used gain stages, whose basic function is to amplify the
difference between two input signals. Finally, the last part of the chapter deals with
the small-signal analysis and frequency response of CMOS amplifier stages. A good
understanding of the topics presented in this chapter is essential for the analog CMOS
designer, as most designs start at the subcircuit level and progress upward to realize
a more complex function.

3.1. BIAS CIRCUITS IN MOS TECHNOLOGY

Op-amp and amplifier stages, described in detail later, need various dc bias voltages
and currents for their operation. An ideal voltage or current bias is independent of
the dc power supply voltages (Vpp > 0 and Vg =< 0) and of temperature.

To obtain the dc bias voltages V1, V,2,..., Vo, where Vgg < V) < V3 < .--
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Figure 3.1. (a) Diode-connected NMOS transistor; (b) current—voltage characteristic of
diode-connected transistor.

Veon < Vpp, voltage division can be used. Pure resistive dividers are seldom used
in MOS technology because the resulting voltages cannot be used directly to establish
bias currents in MOS transistors. Instead, combinations of MOSFETSs and resistors
are often used. A MOS transistor with its gate connected to the drain forms a two-
terminal device, as shown in Fig. 3.1a. Its current—voltage characteristics are shown
in Fig. 3.1b. Since Vps = Vg5, the dynamic resistance r,; is characterized by

aﬂd, a_th 1
G T G-D

Therefore, a useful approximation valid for low frequencies, small signals, and negli-
gible substrate effects is that the device behaves like a resistor of value 1/g,,. Any
number of n- and p-channel devices and resistors can be combined to form a voltage
divider, as shown in Fig. 3.2, where both n- and p-channel transistors are used

Figure 3.2. Voltage-divider-based bias circuit.
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and Vss = 0 is chosen. Since Vgg = Vps here for both devices, the condition for
saturation.

is satisfied. Hence the common value of the drain currents is given approximately
by

W
o = K[ T) Vs = Vi@
L
= k_:: (%) (Vo2 — Vop) — VTp]2 (3.3)
2
_ Vo = Vo
R

Here ;. is usually specified; then V,,, and V,; can be selected and Eq. (3.3) used
to find the W/L ratios of the devices and the value R of the resistor.

An undesirable feature of this configuration is that the bias voltages and current
depend on the supply voltages Vpp and Vss. In fact, the bias current increases rapidly
with increasing power supply voltage. Since such bias strings are used to provide
bias for other devices in the circuit. the dc power consumption of the overall circuit
becomes heavily dependent on the supply voltages.

A CMOS circuit with (theorencally) perfect supply independence is shown in
Fig. 3.3. If Q5 and Q, are matched transistors so that (W/L); = (W/L),, they ideally
carry equal currents. Choosing (W/L), = (W/L), will then result in Vgs; = Vis2,

Figure 3.3. Viyreferenced supply-independent CMOS bias
source,
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and the voltage across the resistor, [, R, will be equal to Vgo. This equilibrium
condition leads to the equation

1 ias
Rlyios = Veso = \,‘ J('(LW/LS + Vr. (3.4)

Equation (3.4), which is independent of V55, can be solved to obtain /,,;,;. Note that
in this analysis we neglected the effects of channel-length modulation (i.e., we as-
sumed that [, is independent of V).

An alternative version of the bias circuit shown in Fig. 3.3 that uses the base—emit-
ter voltage (Vgg) of a bipolar transistor as the reference voltage is shown in Fig.
3.4a. In a CMOS process, the substrate, well, and the source—drain junction inside
the well can be used to form a vertical bipolar transistor. For example, Fig. 3.4b

: HI"ﬁE"'

*|- Vgs1 Vasz -| ¥

i

(a)

base emitter collector

70— -///// ) .%’/’

n-well

p~substrate

(b)

Figure 3.4. (a) Vgebased supply-independent bias circuit; (b) vertical pnp bipolar transistor
in an n-well CMOS process.
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shows a vertical pnp device that is formed in an n-well process. The collector of
this pnp device is the p~ substrate that is permanently connected to the most negative
voltage on the chip. For the bipolar transistor, the collector current is given by

Ic = fsevas’vr. (35)

where Vg is the base—emitter voltage, Vy = kT/g, and I, is a constant current,
which is proportional to the cross-sectional area of the emitter, which is used to
describe the transfer characteristic of the transistor in the forward active region.

In Fig. 3.4a, as in Fig. 3.3, if (W/L);, = (W/L), and (W/L); = (W/L)4, equal
currents are forced through the two branches of the bias circuit and the voltage drop
across resistor R equals Ve, Thus the bias current is given by

.
Ipne = %f . (3.6)

Combimung Egs. (3.5) and (3.6), we have

4 I ias
Thias = FT In _]}"_ . (3.7)

Trus equation can be solved iteratively for fyas.

Both supply-independent bias circuits have a second trivial steady -state condition,
cutoff when I, = 0. To prevent the bias circuit from settling 1o the wroag steady-
state condition, a startup circuit is necessary in all practical applicanons. The circuit
to the right of the dashed line in Fig. 3.5 functions as a startup circuit. If Ii,s = 0,
Qs is off and the voltage at node A is high, causing Qs to turn on and draw a current
through QO4, forcing the circuit to move to its other equilibrium state. Once the circuit
settles in the desired state. Qs turns on and node A goes low, turning off QJs. At
this state the startup circuit is essentially out of the picture.

vPD | —=  startup
oo, |
: iy
: L, 9
Ibias :
Q H
1]_4- + [02 E @
v, '/ H
- ¥YGS51 YGgsz - !
[
i
]
v, R : G) lu
BE :Q;“
" T
. + :

Figure 3.5. Supply-independent bias circuit with startup.
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Another important performance aspect of the bias circuits is their temperature
dependence. Unfortunately, supply-independent bias circuits are not necessarily tem-
perature independent, because the base—emitter voltage (Vjzg), and gate-to-source
voltage (Vgs) are both temperature dependent. If the temperature coefficient T is
defined as the relative change of the bias current per degree Celsius temperature
variation, we have [1]

_!__ aIbins

TC.F - !bias E}T . (3.8}

Using the definition above and Eq. (3.6), the relative temperature coefficient of the
Vge-based bias generator can be calculated:

_(Vael _ VieOR) 1

Ter = ( oT R R? aT) Toias 3.9
_ 1 Ve 19R

Ter = Vge 0T  ROT’ (.10

Since the temperature coefficient of the base—emitter junction voltage is negative (— 2
mV/°C) while resistors typically have a positive temperature coefficient, the two terms
in Eq. (3.9) add, resulting in a net T that is quite high. The temperature behavior of
the threshold-based bias generator of Fig. 3.3 is similar to the Vgz-based circuit.

An alternative supply-independent bias generator is the A Vgg-based circuit shown
in Fig. 3.6a. The operation of this circuit is based on the difference between the
base—emitter voltages of two transistors operated at different current densities. In
Fig. 3.6a, as in Figs. 3.3 and 3.4, (W/L), = (W/L), and (W/L); = (W/L),. Therefore,
equal currents flow through the two branches of the circuit and Vgg; = Vgsa. Also,
the pnp transistor M|, has an emitter area that is m times the emitter area of, M.
The voltage across the resistor R is AVge = Vggy — Vpgy. From Eq. (3.5),

lhias = Le Vo'Vt
Toias = mile"seVr, (3.11)
and hence
AVpe = Vggo — Vper = Vrln (m). (3.12)

A Vg appears across R and produces a current of value

AV Vrlnm
hias =~ = —Tp— (3.13)
Obviously, the resulting bias current is independent of the power supply Vpp. This
circuit also has two operating states: one at the desired operating current given by
Eq. (3.13) and the other at zero. To prevent the circuit from operating in the cutoff
state, a startup circuit similar to the one shown in Fig. 3.5 is required.
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Figure 3.6. (a) AVgg-based supply independent bias
generator; (b) high-performance AVpgg-based supply-
independent bias generator. (b)

The temperature coefficient of the bias current can be calculated from Eq. (3. 13):

_ dVrinm VrinmdR\ 1

Ter = (BT R R ﬁ) T (3.14)
_ 1V 1R

Tcr = v, aT - Eﬁ, (3.15)
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Since dV/0T and dR/OT are both positive, the two terms in the temperature coeffi-
cients tend to cancel each other. Thus compared to Vpg-or threshold-based bias
circuits, the A Vgg-based bias circuit can produce a much smaller temperature coeffi-
cient.

One drawback of the A Vj-based bias generator is the strong dependence of F;,s
on the mismatches between Q>~Q,4 and @, —Q, device pairs. The mismatch between
03—, will result in different currents to flow in the two branches of the circuit. If
1 + € represents the ratio of the two currents, A Vg will become

ﬁVgE = VT In [m{l + E)], (316)

which 1s equivalent to modifying m, the ratio of the emitter areas, by 1 + €. The
mismatch between O, and O and the current difference due to the mismatch of Q;
and Q4 will make the Vg values of Q) and Q, different. This is equivalent to a dc
offset voltage V,; = A Vg, which modifies Eq. (3.13) to

_ Veln[m(l + €)] — AVgs

T = - . (.17

Assuming that m = 8, € = 0.01, and V7 = 26 mV at room temperature, A Vg =
26 X In[8(1 + 0.01)] = 54.3 mV results. For a AVgs = 5 mV offset voltage,
from Eq. (3.17), L,,s will change by 10%. To reduce this variation special care
should be taken in the layout of Q,—Q,. For better geometrical matching, these
devices should use a common-centroid layout strategy [2].

The current-matching accuracy of the bias generator of Fig. 3.6a is further de-
graded due to the mismatch between the drain-to-source voltages of (5—Q4 and
Q,—Q; transistor pairs. The circuit can be made symmetrical, and the drain-to-source
voltage drops equalized, by adding transistors Qs to Qg to the two branches of the
circuit (Fig. 3.6b). The improved configuration also uses the cascode current mirror
principle, described in Section 3.2, to improve the power supply rejection. On the
other hand, the minimum power supply voltage is increased compared to the circuit
of Fig. 3.6a, due to the extra voltage drops required by the two cascode devices.
This becomes a major shortcoming in advanced submicron process technologies, or
in low-power/low-voltage applications where the power supply voltage is limited
to33V,

3.2. MOS CURRENT MIRRORS AND CURRENT SOURCES

As will be seen in later sections, constant current sources and current mirrors are
important components in MOS amplifiers. The MOS current sources are quite similar
to the bipolar sources [1,3], where the current mirrors work on the principle that
identical devices with equal gate-to-source and drain-to-source voltages carry equal



56 BASIC ANALOG CMOS SUBCIRCUITS

v
lout
vﬂlﬂ |
r J h useful range
0
‘2"0“1 ' J/
Yor Vo2 ! ;
e -
L N H Vout
VDsat =Vg-VT
(a) (b)

Figure 3.7. (a) n-channel current mirror; (b) outpui voltage—current relationship and useful
output range of the current source.

drain currents. An NMOS realization of a current mirror is shown in Fig. 3.7a. In
this circuit Q, is forced to carry a current /;. since its input resistance at its shorted
gate—drain terminals is low (much lower than ry), and its gate potential Vp,, adjusts
accordingly. If Q, and Q, are in satsranon. their drain currents [, and I, are deter-
mined to a large extent by their Vs vaiues. Since Vgs) = Vgs2 = Vg, the condition

= k_z (3.18)

ral Ben

will therefore hold. More accurately, since drain saturation current is given by

w

ip = K7 (Ve = VoA + NVp), Vg > Vr, (3.19)

if the transistors have the same A, k', and V7, then

I (WA 1+ \Vp,

L™ Wip1+ \p (3.20)

The current [, is thus ““mirrored’” in /.
Using Eq. (3.19) and ignoring the effect of A, the gate voltage Vi is given by

Vo = Vr + \/ 7o~ (3.21)

For the transistors to operate in the saturation region, Vp = Vg — V; must hold.
Using Eq. (3.21), therefore, the drain saturation voltage is

-/
Vbsar = K (W/LY (3.22)

where V., is the minimum drain voltage that keeps the transistors in saturation.



3.2. MOS CURRENT MIRRORS AND CURRENT SOURCES 57

"\31"3 lin

> 1 > :' 1 5 1
L3 33— 3 $ — 3—=rg2 v
941 9m1  m2'D1 992 © in

»

Figure 3.8. Small-signal equivalent circuit of the MOS current mirror.

For the MOS current source of Fig. 3.7a, the output voltage v,, has to be greater
than Vj,, to keep O, in the saturation region. Figure 3.7b shows the output volt-
age—current relationship of the current source of Fig. 3.7a.

For small-signal analysis, the equivalent circuit of Fig. 2.14 can be used to model
Q, and Q. The resulting circuit is shown in Fig. 3.8. Here r, is the incremental
resistance of the current source I} and v, is the test voltage connected to the drain
of O, for measuring the output impedance of the circuit. The small-signal output

impedance is simply

: 1 1 + AVY
r.mt=tv'=rdz=—=—hﬁ—m. (3.23)

where Eq. (3.19) was used. .

Clearly, the current source of Fig. 3.7a has an output impedance that is not better
(i.e., higher) than the output impedance of a simple MOS transistor, also inaccurate
current matching due to the variation of the drain voltage of O, with the output
voltage, and finally a reasonably wide output voltage range, which is limited at the
lower end by Vpgy.

The output impedance r,,, can be increased, and thus the circuit made to perform
more like an ideal current source, by adding one more device and modifying the
connections slightly. The resulting circuit (Fig. 3.9) is the MOS equivalent of Wil-
son's current source[1,3]. In this circuit, if I, increases, O, causes v; to become
larger. This results in a drop of v; which then counteracts the increase of I;. Thus
a negative feedback loop exists, which tries to hold I, constant. The small-signal

VDD Vin
) 2
REAOX
Va = a
| "i 3
i
I
01.--3|—--—<—| -4Qp
i Vi :
I 1
L -

= = Figure 3.9. MOS version of Wilson’s current source.
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Figure 3.10. Small-signal equivalent circuit of Wilson's current source.

equivalent circuit is shown in Fig. 3.10; a simplified circuit is shown in Fig. 3.11.
The latter was obtained by combining r, and ry into ry = (r;”' + r7 )", by
replacing the self-controlled current source g,,,v; by a resistor 1/g,,2, and by neglect-
ing r4, which is now parallel with the (usually much smaller) resistor 1/g,,,. Solving
for i;, in Fig. 3.11 gives

i
'ill == i . 3.24
fin = TR L+ garrn(l + o) Vam (3.24)

Typical values for g, are around 1 mA/V, while r; is on the order of hundreds of
kiloohms. Hence g,.3rss 2 1 and for reasonably large r,, g,# > 1. Then, from Eq.
(3.24),

— Yn _ miM18milas

= goit1 222 1. (3.25)

Fout
lin Em2 Em2

Here, on the right-hand side the value of the first factor is around 100, while that
of the second is around 1. Hence the output impedance r,,, is two orders of magnitude
larger than ;. The output impedance of the current source drops as soon as transistor
Q; enters the linear (triode) region. The minimum level of the output voltage swing
of the Wilson's current source is thus limited to Vi, = Vgso + Vpeas. In summary,
the charicﬁlja!ics of Wilson’s current source are the following: high output imped-

) 1 g Lonniy . .
ance, restricted output voltage swing, and poor current-matching accuracy, due to
the mismatch between the drain-to-source voltages of transistors O, and Q,.

/\ V3 [ $rda b
+

| "

| c
. 1 Moo 17§ 9m2 Q )
) [ op [ loop
1 9mYy

Figure 3.11. Simplified small-signal equivalent circuit of Wilson's current source.
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Figure 3.12. Improved MOS Wilson’s current

T source.

The circuit can be made symmetrical, and the drain—source voltage drops of Q,
and @, equalized, by adding another transistor, Q, (Fig. 3.12). It can easily be shown
that the output impedance of the resulting improved MOS Wilson's current source
is again given by Eq. (3.25). The detailed analysis of the circuit is left to the reader
(Problem 3.6a).

A slightly better version of the circuit of Fig. 3.12 (often called cascode current
source) is shown in Fig. 3.13a. Its small-signal equivalent circuit is shown in Fig.
3.13b and in a simplified form in Fig. 3.13c. This circuit also uses feedback to
maintain /, constant, and it also equalizes the drain potentials of Q; and Q,, thus
improving the current-matching properties of the current mirror. It can easily be
shown (Problem 3.6b) that now

n
= .;1'1 =rp + ra3 t+ gmitastar = (€mata2)as - (3.26)
in

Fout
Hence there is again a 100-fold increase over the single-MOSFET output resistance.
In addition, now the internal impedance r, of the current source I, is in parallel with
1/gmi + 1/g,ma, a low input impedance, rather than with r,; . Hence its loading effect
is much reduced.

The cascode current source is similar to the improved Wilson’s current source: It
is characterized by high output impedance and accurate current mirroring capability.
However, a common disadvantage of both circuits is that the minimum level of the
output voltage swing is higher than that of the simple current mirror of Fig. 3.7.
This reduces the available voltage swing of the stage(s) driven by the mirror. For
the circuit of Fig. 3.13, the minimum voltage swing before (53 makes the transition
from the saturation region to the linear region is

Vm.in = V(;_g-z + Vpsaﬂ = VT + ZVDs.a'r (327}
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Figure 3.13. (a) Cascode current source; (b) equivalent small-signal circuit of the cascode
current source; (c) simplified small-signal circuit of the cascode current source.

The output voltage—current plot for the cascode current source is shown in Fig.
3.14. The plot shows three operating regions. In the region where both @, and Qs
are in saturation (Vp = Vy + 2Vp,) the output impedance has the highest value.
In the region where Q, is in saturation and Qj is the linear region (2Vpg, = Vp <
Vr + 2Vpa), the output impedance is substantially lower. When V, < 2V, both
transistors are in their linear regions, and the output impedance is very low.
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Figure 3.14. Output voltage—current relationship for cascode current source.

As mentioned earlier, a major drawback of the cascode current source is its limited
output voltage swing. As Eq. (3.27) shows, the minimum voltage at the output of
the current source that keeps both @, and Q; in saturation is now Vy + 2Vpg,,. This
loss of voltage swing is especially important when the current source is used as the
load of a gain stage. To reduce the loss and increase the output swing, we can bias
the drain of the lower transistor Q, at the edge of the saturation region. The resulting
high-swing cascode current source is shown in Fig. 3.15 [4].

In this circuit a source follower (Qs and Q) has been inserted between the gates
of Qs and Q, in Fig. 3.13a, and the W/L ratio of Qs has been reduced by a factor
of 4. Using the simplified MOS I-V equation Ip = k' W/L(Vgs — Vy)* for the
saturation region, and the W/L ratios given in Fig. 3.15, we have

Vng, = VT + 2VDsat (3.28)
Ves1 = Vesa = Vgse = Vr + Vpsar
v Voo
1
'Iom
® Vout

°5_ V+2Vpgat
{24
® VDgat

~~ !lll.

Q Q
! _lrls _ I—{Eevzm Figure 3.15. High-swing cascode current
= = source.




62 BASIC ANALOG CMOS SUBCIRCUITS

Vpp Vpp
r'°"'='
O I
=
03| W1 {EQ,;
T n
-
M

Figure 3.16. High-swing improved current source.

where Vpe.. = VI/(K'W/L). From Fig. 3.15, the node voltages V,, V3, and Vpg, can
be found:

Va = Vgs1 + Vgss = 2Vr + 3Vpga,
Ve = Va — Vigse = Vr + 2Vpga, (3.29)

Ve — Vesa = Vpsar

0, is therefore biased at the edge of saturation. The lowest level of the output voltage
swing is now limited to 2Vp,,, which is a major improvement compared to that of
the circuit of Fig. 3.13a. The high-swing cascode current source exhibits a high
output impedance, similar to that of the cascode current source, and an improved
output voltage swing. The current matching, however, suffers due to the mismatch
in the drain-to-source voltages of the mirror transistors 0, and Q,. For Q,, Vps, =
Vr + Vpga, while for Q,, Vps, = Vpga-

An improved high-swing cascode current source, along with its biasing circuit,
is shown in Fig. 3.16. Here n is a positive-integer number [5, p. 560]. Once again,
using the simplified MOS /-V equation results in

1
Ves1 = Vci= Vr + \/m =Vr + (VDsat)W(L, (3.30)

where (Vpga)wy is the minimum drain-to-source voltage required to keep devices
Q, and Qs with a current I and aspect ratio W/L in saturation. For devices Q5 and
Qs we have

1
Vess = Vgsa = Vr + n \/ET(—W_/L.) = Vr + n(Vpsadwor, 3.31)
I
Vgss = Vr + (n + 1) \/E'(—W7L_) =Vr+ (n + DNVpsadwa-
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Using Eq. (3.31) yields

1
Vosi = Vps2 = Vigss — Vc;sﬂ/m = (Vpsadwi» (3.32)

Voss = Vgsi — Vpsi = Vr.

Clearly, since Vps; = Vpss = (Vpsa)ws, both O, and Q, are biased at the edge of
their saturation regions. Also, assuming that Vpss = Vr = Vpgas = n(Vpsa)wir,
Qs will be biased in the saturation region. As a result, the circuit will have a high
output impedance. Notice that the output node v, has high-swing capability. Actu-
ally, as long as v,y is greater than (n + 1)(Vpsa)ws, the output will maintain its
large output impedance. For the improved current mirror the devices Q, and Q,
have equal Vs as well as equal Vps values and therefore good current-matching
capability.

The formulas and numerical estimates given for the current sources are somewhat
optimistic since they neglect the body effect of the floating devices (transistors Q3
and Q, in Figs. 3.13 to 3.16). Also, real MOS transistors do not display an abrupt
transition from the saturation to linear region. Therefore, it is necessary to bias the
drain voltages of the mirror devices Q; and Q, slightly above the ideal saturation

voltage produced by Vps: = \/I/(K’W/L) to achieve the high output impedance
derived earlier.

3.3. MOS GAIN STAGES [6-8]

A simple NMOS gain stage with resistive load is shown in Fig. 3.17. Q, is biased
so that it operates in its saturation region. The low-frequency small-signal equivalent
circuit is shown in Fig. 3.18. The voltage gain of the stage is clearly

—Vou _ o Rira
Ay = 2= —gm g gy (3.33)

In integrated-circuit realization, the resistor R; is undesirable since it occupies a
large area and introduces a large voltage drop and hence is usually replaced by a

Figure 3.17. Resistive-load MOS gain stage.
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' T Vout
Figure 3.18. Small-signal low-frequency Vin i ] A
equivalent circuit of the resistive-load gain - 9m1Vin di L

stage. = =

second MOSFET. If an NMOS enhancement-mode device is used as a load, the
circuit of Fig. 3.19 results. The drain and gate of Q, are shorted to ensure that v,
> s — Vr, and hence the device is in saturation. The small-signal equivalent
circuit of the load device Q, alone is shown in Fig. 3.20. Here the voltage-controlled
current source g,,vy is across the voltage vy,; hence it behaves simply as a resistor
of value 1/g,,. Similarly, since vy, = vy, the source g,,, vy, corresponds to a resistor
1/|gms| [recall that by Eq. (2.19), g,.» < 0!]. In conclusion, Q, behaves like a resistor
of value 1/(gn2 + |gmp2| + &4)- Replacing R, in Fig. 3.17 by this resistor and
neglecting g4, and g4, in comparison with g,,» + |gms2| gives

— 8m1
A, = —"m0 3.34
8m2 + Igmb2| ( )

If the body effect is small, so that |g,ns2 | << gm2, then using Eq. (2.18),

2VE(1 + N uds)id
_ \/ 1( 1Ups1)iD (3.35)

’ Em2 V(1 + Athsy)ids
- \/E _ 4 [0V,
N k, ~ (W/L),
results. Here the channel-modulation terms \;v)5 were also neglected, and the rela-
tions iDl = iD2, and k,l = k,2 utilized.
The sad message conveyed by Eq. (3.35) is that a large gain can be obtained
only if the aspect ratio W/L of Q, is many times that of Q. If, for example, a gain

of 10 is required, (W/L), = 100(W/L), must hold. This is possible only if a large
silicon area is used. In addition, the body effect also reduces the gain significantly.

A 8m1

I
I
|

Figure 3.19. Enhancement-load NMOS gain stage.
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- P ! 1

Vout VDS r ) _ '

R - 9m2vDST '9mb2!Vbs 5 92 Figure 3.20. Small-signal equivalent cir-
‘ . cuit of the enhancement-load device Q,.

Including body effect (but still neglecting channel-length modulation), using Eqs.
(2.12), (2.19), and (3.34),

~ &m1/8m2 (3.36)

A, =
1+ yIQ2V2ldy| + [oul)

results. For |b,| = 0.3V, vy, = 5V, and y = 1, the denominator is 1.21; hence
the gain is reduced from 10 to 8.26.

In conclusion, the NMOS enhancement-load gain stage provides a low gain.
This stage is nonetheless often useful in wideband amplifiers, where a low but
predictable gain can be tolerated and the gain stage exhibits a wide bandwidth due
to the low resistance of the load. For high-gain applications, however, the stage
needs a large silicon area and since the load device has a high resistance (small W/
L ratio), it has a large dc voltage drop across it which reduces the signal-handling
capability and hence the dynamic range of the stage.

To improve the performance and increase the gain of the MOS amplifiers, a
current—source load can be used. Any of the current sources described in the earlier
sections can serve as a load. A common-source MOS gain stage that uses an NMOS
input device and the p-channel version of the simple current source of Fig. 3.7a is
shown in Fig. 3.21. The operation of this circuit is similar to the resistive-load gain
stage of Fig. 3.17, but the resistive load is replaced by the small-signal output
impedance r4, of the PMOS current source. Using Eq. (3.33), the gain of the CMOS
amplifies stage is

_ raita2
Av = —8m o " (3.37)

For g,,; = 0.2 mA/V and ry, = rp = 1 M(Q, the small-signal low-frequency gain
is A, = —100. Obviously, the gain is proportional to the transconductance of the

V
*DD

Figure 3.21. Common-source gain stage with NMOS input
= and p-channel current source as active load.
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Figure 3.23. (a) Equivalent circuit of the MOS gain stage; (b) simplified equivalent circuit
of the MOS gain stage.

Solving Eq. (3.41) gives

V.
AL = 325

Gs(sCear — 8m1)
[S(Cgsl + ngl) + Gs][GLeq + S(ngl + CLeq)]

- Sngl(scgdl = &m1) -

(3.42)

To obtain the frequency response, s must be replaced by jw. For moderate frequen-
cies, gm > WCga1, Greq ® &(Coan + Cieq) hold. Then a good approximation is

_gmle
GiGreq + Jo[GLeg(Cost + Ceat) + 8mCoail

"gml/Gqu
1+ JORJ[Cgsy + Coar(1 + gm1/Greg)]
AY
1 + joR,Cy

Ajw) =

(3.43)
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gWT"i Vout
+ -
v <
in & T Cin ﬁ) 9miv1 3 Gieq

Figure 3.24. Approximate equivalent circuit of the MOS gain stage.

AAA

Here A°, = _gm1/GLeq is the dc value of A,(jw), and

Cio = Cpo1 + cgd,(l + éi) = Cp1 + Coar(1 + JAY).  (3.44)
A,(jo) in Eq. (3.43) can be recognized as the transfer function of the circuit shown
in Fig. 3.24. Thus the capacitor C,; which is connected between the input and
output terminals of the gain stage (Fig. 3.23a) behaves like a capacitance (1 + |4%))
times its real size, loading the input terminal. This is the well-known Miller effect [2].
For |A9)) > 1, the high-frequency gain will be seriously affected and the bandwidth
considerably reduced by this phenomenon.

To prevent the Miller effect, the cascode gain stage of Fig. 3.25 can be used. Here
Q- is used to isolate the input and output nodes. It provides a low input resistance
1/g,» at its source and a high one at its drain to drive Q5. Ignoring the body effect,
the low-frequency small-signal equivalent circuit is in the form shown in Fig. 3.26.
Neglecting the small g, admittances, clearly

8ml Un = —8m U1 = —8m3 Uout- (345)

Hence, for low frequencies,

vl = = @ vin’
8m2
(3.46)
o = 8m2. _ _ 8ml
out 8m3 ! 8m3 o

Figure 3.25. Cascode gain stage with enhancement load.
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min M , Yo 9m3'oyt

.\ e 7 * Yout
Vin Td1 fd3
- - - - -~

Figure 3.26. Low-frequency small-signal circuit of cascode gain stage.

The gate-to-drain gain of Q; iS — gmui/gm2, and therefore the C,y of the driver
transistor ¢y is now multiplied by (1 + g,,1/gm2). Choosing g,,; = g2, this factor
is only 2. The overall voltage gain — g,,,/g,,3, however, can still be large, without
introducing significant Miller effect, since there is no appreciable capacitance be-
tween the input and output terminals.

As before, the gain of the cascode gain stage can be increased by using a current
mirror as an active load device. A cascode amplifier with a p-channel current source
as active load is shown in Fig. 3.27. It can readily be shown that the low-frequency
voltage gain of this circuit is given by

Ay = —8m (Foun |l rou2), (3.47)
where, as derived earlier [cf. Egs. (3.23) and (3.26)],
Toutr = o3, (3.48)
Touz = Tor + Toa(l + gmalo1) = Toagmaror-

The value of r,,;, is much larger than r,,, because of the local feedback. The
effective output impedance is therefore given by

o = Foutl ” TFout2 = Yout1 = ¥o3 (3.49)

and the gain of the stage is

Ay = = 8milo3. (3.50)
v
!DD
Qo |f03
f"out1 v
'l"ef ‘routa + °
Vbias ——'E---Qz L
Vin -1 Qy _
j_ Figure 3.27. Cascode stage with p-channel current source
- = as active load.
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Figure 3.28. Cascode stage with p-channel cascode
current source as active load.

|||—o; j-

To exploit fully the availability of the high output impedance 7, for high gain,
a cascode current source must be used for the active load. A cascode gain stage
with a p-channel cascode current source as active load is shown in Fig. 3.28. The
value of the load resistance 7,y is given by

Toutt = 753 + Tos (1 + 8ma 163) = Tos To3 8ma. (3.51)
Assuming that 7oy = Fou, We have

1
Toun1 = 2 Toa To3 Ema, (3.52)

I

Yo = Foul " Youz =

and the gain is given by

1
A'u = _E 8m1 Tos 8ma To3- (353)

Since r, is much larger than r,;, the gain A, can be much larger than the gain of a
stage with a simple current source.

To improve the output signal swing, a biasing strategy similar to the high-swing
cascode current source should be used, so that both Q; and Q are biased only
slightly above the saturation region. The maximum output signal swing is given by

Vpsat + Vpsaz = Vou = Vop — |Vpsas + Vsaul- (3.54)

The use of a cascode current source as an active load in the gain stage of Fig. 3.28
provides a high voltage gain that is sufficient for the majority of the applications.
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Figure 3.29. Gain stage with dou-
ble-cascode input and double-cas-
code load.

However, in cases where an extremely high gain is required, the cascoding concept
for the current sources can be extended by stacking more devices in the cascode
configuration, which increases the output impedance and hence the voltage gain. A
double cascode gain stage with double cascode active load is shown in Fig. 3.29.
Compared to Fig. 3.28, two additional devices in a common-gate configuration have
been added to the cascode input and cascode load. Using the results expressed in
Eq. (3.51), the output impedance 7,3 can be calculated as

Tout3 = Toutl &mé To6- (3.55)
Combining Egs. (3.51) and (3.55), we have
Fout3 = To3 Toa 8m4 8mé6 To6- (3.56)
Similarly, r,u4 can be calculated as
Toutd = To1 To2 8m2 8ms Tos- (3.57)
Once again if we assume that 7,3 = rou4, the voltage gain becomes

1
A, = _5 8mi Yol 8m2 To2 8&ms Vos- (3.58)

The resulting gain is quite high and is proportional to g,,r, raised to the third power.
The high gain is achieved at the cost of reduced output swing. To maximize the
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output voltage swing, once again Q,, Q,, O3, and Q, should be biased slightly above
the saturation region. The bias voltages are therefore given by

Vbiast = Ves2 + Vpsan, (3.59)

Vbias2 = Vass + Vpsaz + Vbsan- (3.60)

Similar equations can be derived for Vp,ss3 and Vjige. Using these results, the maxi-
mum output signal swing is limited to the following range:

Vpsat + Vosaz + Vosas = You = Vob — |Vpsas + Vosaw + Vpsass|-

(3.61)

Another technique to improve the output impedance of the cascode current source
of Fig. 3.28 is to place Q, in a feedback loop that senses the drain voltage of Q,
and adjust the gate of Q, to minimize the variation of the drain current. A simplified
form of this circuit is shown in Fig. 3.30, where the gain stage reduces the feedback
from the drain of Q, to the drain of Q, [9]. Thus the output impedance of the circuit
is increased by the gain of the additional gain stage, A:

Tou2 = 8m2lo2ATo1- (3.62)
Similarly, the output impedance r,,,; can be calculated as

Toutl = Emal0aA¥ 3. . (3.63)
Assuming that 7o, = 7our2, the voltage gain of the stage is given by

1
A, = _'2' 8ml 8m2 To2 Tor A, (3.64)

which has been increased by several orders of magnitude.

A simple implementation of the circuit of Fig. 3.30 is shown in Fig. 3.31, where
the feedback amplifier is realized as a common-source amplifier consisting of transis-
tor Qs and the corresponding current source Ig; [10]. The operation principle of the
circuit of Fig. 3.31 is described briefly as follows. The transistor Q; converts the
input voltage v; into a drain current that flows through Q; and Q; to the output
terminal. For high output impedance the drain voltage of Q; must be kept stable.
This is accomplished by the feedback loop consisting of the amplifier (Qs and Ip;)
and Q, as a source follower. In this way the drain—source voltage of Q, is regulated
to a fixed value. The disadvantage of the circuit of Fig. 3.31 is that it limits the
output swing, because the drain voltage of Q, is Vss, where as it can be as low as
Vpsan = Vas1 — Vr. Additionally, the gate-to-drain capacitance of Qs multiplied
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Figure 3.30. Cascode gain stage with enhanced
output impedance.

by the gain of the feedback amplifier (Qs and /p,) forms a low-frequency pole with
1/g,x2, which degrades the high-frequency performance of the main amplifier stage.

Folded-cascode op amps, presented in Chapter 4, can be used for the feedback
amplifier. One example of this type of implementation is shown in Fig. 3.32, where
PMOS and NMOS input folded-cascode op-amps have been used to enhance the
output impedance of the NMOS and PMOS cascode stages [9]. To maximize the
output voltage swing, Vyiasi = Vgsi — Vi and Viiass = Vpp + (Vgss — Vi)
should hold. Folded-cascode op-amps are described in detail in Chapter 4.

Voo
Vbias3 }’Jos
Qg
Q4
g2
= $ fout1
v 1 3 0
DD } Tout2
g1 1
Qg
05 I——q.
v “_0

Figure 3.31. Simple implementation of Fig.
3.30.

I|—0 | -lna p
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Vb1_T_||: | / Vblas:l_fa‘
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Vbias3=YpD+VGS4-VT,
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Vbiast=VGs1—VTn F b—jl | ":02

Vb3
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Figure 3.32. Complete circuit diagram of a gain-enhanced cascode amplifier employing
folded-cascode op-amps as feedback amplifiers.

3.4. MOS SOURCE FOLLOWERS [5-8]

MOS source followers are similar to bipolar emitter followers. They can be used
as buffers or as dc level shifters. The basic source follower, with an NMOS input
device and an NMOS current source as an active load, is shown in Fig. 3.33 and
its small-signal low-frequency equivalent circuit in Fig. 3.34. The node current equa-
tion for the output node is

(gdl + gd‘2)vout + |gmbllvout = 8m2 Ugs1 = 0. (365)

Substituting v,y = Uip — oy and solving yields

You _ __ &m/ (81 + 8ar)8mb1) (3.66)

A, = = .
Un  Em/@am + 82 t |8mai)) + 1

Hence A, = 1if gy 2 g + 82 + [8mai]-



3.4. MOS SOURCE FOLLOWERS 75
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Figure 3.33. Basic structure of MOS source follower.

The output impedance of the source follower can be calculated by applying a
test source v, at its output (Fig. 3.35). The current law gives

ir = (81 + 822)U + |8mo1] Ve — Em1Tgs1 (3.67)
Here v, = — v,, and hence Eq. (3.67) gives
: Uy 1 1
Roue = (3.68)

i - 8 + 8n + &m t |8msi ==.gml

since usually g,,1 > ga1, 842, and |gms1|. Thus Roy has a relatively low value, on
the order of 1 k{).

The dc bias current of the stage is determined by the current source Q,, which
drives Q, at its low-impedance source terminal. Thus the dc drop Vs, between the
input and output terminals is determined by Vj,ias and the dimensions of Q; and Q;
these parameters can be used to control the level shift provided by the stage.

The gate of the load device O, may be connected to its drain to eliminate the

rdq |9mb 1Yout
* Vout

: o
i< +
=]
® ~ 3
_@:’&.‘
-

Figure 3.34. Small-signal low-frequency equiva-
= lent circuit of the source follower.
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Im1Vgs1 (# )lg.m‘lvx
Ix

Figure 3.35. Equivalent circuit to calculate
the output impedance of the source fol-
lower.

gate bias voltage (Fig. 3.36). Analysis shows that for g,,2 > g1, |gms1|, the voltage
gain is then (1 + gn/gm)~". This can be close to 1 only if g, 3 gm2, Which as
discussed in connection with Fig. 3.35, requires a large area for the stage. Hence
this stage is rarely used.

The large-signal operation of the circuit can be analyzed simply if the load device
is regarded as a current source. Figure 3.37 shows the redrawn circuit; r, is the
average large-signal output resistance of the current source and R; is the load resistor.
From Eq. (2.9), ignoring the body effect,

iDl = Io + vout(go + GL) = kl(vin = Voumt — VT1)2- (369)
If (8o + Gk < 2|1’*m = VTlls then

I,
Vout = Un — V1 — k_l, (3.70)

so that the circuit operates as a linear buffer with a constant offset. To achieve this,
(W/L), must be sufficiently large
A major disadvantage of this stage is the following. If v,y < 0, the load supplies

Voo

u'I Qy

e,
+
Vin é Jout

Figure 3.36. Enhancement-load source follower. Vss
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Voo
Q
| ————
+
Vin 'D'l
fo lo SR
i Figure 3.37. Source follower with a current source
Vss as load.

current to the output stage. However, the latter can sink (absorb) an output current
only if it is less than I,. This represents a serious limitation. Also, for vy, > 0, 0
must supply the output current plus I,. In addition, there is a voltage drop greater
then V7, between the input and output terminals. Thus if v, comes from a gain stage
such as that shown in Fig. 3.19, where the output voltage must be less than Vpp —
V12, the maximum positive output voltage swing is Vpp — 2V7. The negative swing
is limited by the requirement that the device(s) in the current source must remain
in saturation for the smallest output voltage.

3.5. MOS DIFFERENTIAL AMPLIFIERS

The input stage of an operational amplifier must provide a high input impedance,
large common-mode rejection ratio (CMRR) and power supply rejection ratio
(PSRR), low dc offset voltage and noise, and most (or all) of the op-amp’s voltage
gain (accurate definitions of these terms are given in Chapter 4). The output signal
of the input stage is much larger than the input one and so is no longer as sensitive
to noise and offset voltage generated in the following stages. (Note that a large
common-mode rejection is desirable even if the noninverting terminal is grounded
in normal operation, to suppress noise in the ground line.)

The requirements above can often be met by using the source-coupled stage
shown in Fig. 3.38. Since this circuit operates in a differential mode, it can provide
high differential gain along with a low common-mode gain and hence ensure a large
CMRR. The differential configuration also helps in achieving a large PSRR, since
variations of Vpp are, to a large extent, canceled in the differential output voltage
Up1 = VUp2.

An approximate analysis of the amplifier can readily be performed. We assume
that the current source 7 is ideal, that is, that its internal conductance g is zero. We
also assume ideal symmetry between O, and Q, and Q3 and Q4, and all devices
operate in saturation. Then the incremental drain currents satisfy iy, = gmi (¥in1 —
V), iy = gmi(Vin2 — V), and iy + ip = 0. This gives v = (v, + ©n2)/2 for the
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Voo
03 04
Vo1 Vo2
Q Q
1 v 2
Vini vin2
| s
Figure 3.38. Source-coupled differential stage
with diode-connected NMOS load devices. =
source voltages of O, and Q,, and iy = —igpn = g Vin1 — Uin2)/2 for their drain
currents. Hence the output voltages are v, = — vy, = —ign/g; = gmi(Vin1 — Uin2)/

2g;, where g, is the load conductance. Defining the differential gain by A, 2 (v,
— Up2)/(Vin1 — Uin2), We obtain the simple result A, = — g,,:/g;. Thus the differential
gain is the same as for a simple inverter; however, the stage also provides a rejection
of common-mode signals and of noise in the power supplies Vpp and Vg, all of
which are canceled (or, for actual circuits, reduced) by the differential operation of
the stage. A more detailed analysis follows.

The low-frequency small-signal equivalent circuit of the source-coupled stage is
shown in Fig. 3.39. In the circuit, the body-effect transconductances of the input
devices Q; and Q, are ignored to simplify the discussions. It will also be assumed
that the circuit is perfectly symmetrical, so that the parameters of Q, and Q, are
identical, as are those of Q5 and Q4. The load conductance g; of Qs and Q4 can be
found as was done in connection with Fig. 3.20: the result is

8 = 8m3 T 8a3 + |8mb3| = &ma t 8as T+ |8mpal- (3.71)
39 + 391
Vote— ® * Vo2

r 94i D ImilVin1-v) G $ 94
v \

© ig 9mi{Vin2 =)

Figure 3.39. Small-signal equivalent circuit of the source-coupled pair.
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Applying the current law at nodes A and B,

Upi& + (Vo1 — 8ai + Zmitim — v) = 0, (3.72)
Vo281 + (U2 — V)8ai + Emi(Un2 — v) = 0

result. (Here the subscripts i and [ refer to the input and load devices, respectively.)
The current law at node C gives

(v = Y1)8di — &mi(Uin1 — V) + U + (v — U2)8di — (Yin2 — V)gmi = O.
(3.73)

Equations (3.72) and (3.73) represent three equations in the three unknowns v,,,
U,2, and v. Solving them for v, and v,;, we get

_ 88mi(8di + 8mi)(Uint — Un2) t 88mi&1 t 84i)Uini

Upy = ,
: (8 + 84i)[28/8ai + &mi) + 8(81 + 8ai)]
3.74
0 = _ 88mil8ai + 8mi)(Un2 — Uin1) + 88mi(81 + 8a)liny G.74)
° (& + 842884 + &mi) + 8(&1 + ga)]
The differential and common-mode input voltages are
Und = Unl — U2,
(3.75)
_ Ui + Uin2
Uine = 2

The differential and common-mode output voltages can be defined similarly:

Upd = Usl — Vo2,

N (3.76)
_ Yol Up2
Upe = 2
Then the differential-mode gain can be obtained from Eq. (3.74):
Adm — Uo.d — Upl — Up2
Uin,d Uinlt — Uin2
3.77)

_ _ __288mi8di + 8m) t+ 88mig1 + 8ai)
(81 + 84)[28/8ai + 8mi) + 8(&1 + 8]
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Forg = O and g4 << g, Agm = — &mil 81, as predicted eariier. Simiiarly, the common-
mode gain can be found:

Voe (val + '002)/2

Acm - Uin,c - (vml + vinz)jz
(3.78)
= — 88 mi )
2884 + 8mi) + 8(81 + 8a)
Hence the common-mode rejection ratio is
Adm 81 Bdi + 8mi
CMRR = =14+ 2==" 3.79
Acm 8 8ai t & ( )
Normally, g, g < g1, g&=i» and approximations
8Bmi
Aim=— =,
a 8i
8
Ao = — 7, 3.80
2g ( )
2 mi
CMRR = — 8mi

can be used. Clearly, to obtain a large CMRR, g must be small; that is, the current
source should have a large output impedance. The circuits described earlier and
shown in Figs. 3.7 to 3.16 are suitable to achieve this. All, however, require a dc
voltage drop for operation which limits the achievable output voltage swing.

As Eq. (3.80) indicates, with the described approximation (including the assumed
absence of the body effect), the differential gain can be obtained from

Emi (W/L);
o — om . 3.81
Adm = = o \ W), (3-81)

Obviously, a large gain can be achieved only if the aspect ratio (W/L); of the input
devices is many times that of the load devices (W/L),. A somewhat improved version
of the differential stage of Fig. 3.38 can be obtained by using PMOS devices Q3
and Q, as loads (Fig. 3.40). For this circuit Egs. (3.77) to (3.80) remain valid;
however, the differential gain A4, is larger and is given by

Emi ’-l'u( W/L)l
Amz———-=—\/——-———-—. 3.82
4 8mi "’p(W/L)! ( )
where ., and p, are the mobilities of the NMOS and PMOS devices, respectively.
The gain of the differential stage of Fig. 3.40 can be increased by using a con-
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Vin1 vin2

! Figure 3.40. Source-coupled CMOS differen-
tial stage with diode-connected PMOS load de-

== vices.

trolled amount of positive feedback to increase the transconductance of the input
device [11]. The resulting circuit is shown in Fig. 3.41 and the differential gain can
be derived as

Emi

ml

Agm=— =1 — )™, (3.83)

where o = (W/L)s/(W/L)3 . As an example, if & = :3;‘, the differential gain will be
increased by a factor of 4.

All the differential stages described thus far have low gain and a differential
output voltage. For high gain the circuit of Fig. 3.42a can be used. This circuit has
differential input but single-ended output. Hence it performs as a combination of a
differential gain stage and a differential-to-single-ended converter. In Fig. 3.42a
transistors Q,—Q, and Q3;—Q, form matched transistor pairs. They have equal W/L
ratios. All current levels are determined by the current source /,, half of which flows
through Q,—Q5 and the other half flows through Q,—Q,. All transistors have their
substrates connected to their sources to eliminate body effect and improve matching.

Voo
.

Q3 Q5 Qg Qq

Vo1 Vo2

Vin1 Vin2

. Figure 3.41. Source-coupled CMOS differ-
' ential stage with positive feedback to in-
crease gain.
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vin1 vin2
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<r -]
©
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Figure 3.42. (a) CMOS differential stage with active load; (») small-signal equivalent circuit
for CMOS differential stage.

An approximate analysis of the circuit can readily be performed as follows. As-
suming that the current source I, is ideal, the incremental drain currents of O, and
Q, must satisfy iy; + ipn = 0. Also, if both Q; and Q, are in saturation, then i
= gmi(Vn1 — v1) and iy = g, thy2 — v1). Combining these equations, v, = (vin; +
Uin2)/2 results. Hence iy; = —ipn = gm a1 — tin1)/2. The current iy is easily
imposed on Q3 by @, since the impedance at the common terminal of the gate and
drain of Q3 is only 1/g,,3.

Transistors Q3 and Q4 form a current mirror similar to that shown in Fig. 3.7q,
and hence the current through Q, satisfies iyy = iz = iy . Thus both @, and Q4
send a current iy; = g, t%a1 — Uin2)/2 into the output terminal. Since the output is
loaded by the drain resistances of Q, and Qg, the differential gain is thus A4, £
Uou/(Vin1 — Uin2) = 8mi/(8ai + &a1)- A more exact analysis follows next.

The small-signal equivalent circuit of the stage is shown in Fig. 3.42b. It was
drawn under the assumption that both input devices Q, and Q, have the same conduc-
tances g,,; and g;, and that both load devices have the parameters g, and g4; also,
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that separate ‘‘wells’’ are provided for the PMOS devices. Then vgs = 0 for all
devices, and hence no body effect occurs. The output conductance of the current
source is denoted by g,.

Writing and solving the current law equations for nodes A, B, and C (Problem
3.11), we obtain

mi

Uout = gmgm: {z(gdt + &mi)(Un1 — Un2) + golivinl - (gﬂ + l)vmzl},

(3.84)
where

D = (g + 8md8ai8ai + 28mi8ar + 8a)] + 8o(8ai + Em)(&ar T+ 8ab)-

We define, as before, the differential and common-mode input signals by Eq.
(3.75). Then the differential gain A4, and the common-mode gain A.,, can be defined
by

Uout = Admvm,d + Acmvin,c- (385)

From Egs. (3.84) and (3.85),

Emi8mi 8di_
Adm D [2(gdl + gm:) + go( 2 gm!)]’ (386)
Acm - _ gmigﬁgo ,
|Adm' Emi 1
CMRR = | Acm| = 20 [2(gai + 8mi) + 8] + 3.87)

For gmi» 8m > 8o, 8a4i» and g4, the approximations

_ 8mi

Adm =
a 8a + 84’

— Bo8di
R 3.88
28mi(8ar + 8ai) (3.88)

cm

CMRR = 2 8mi8mi
8o8di

can be used. Note that A4, is the same as that obtainable from a CMOS differential-
input/differential-output stage (Problem 3.12). Thus the single-ended output signal
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Figure 3.43. Equivalent circuit of the output impedance of the CMOS differential stage.

does not result in lower gain for the stage. By contrast, the CMRR is higher by a
factor of g,./g4;, which (for usual values) is much greater than 1.

To calculate the small-signal output impedance of the CMOS stage, a test source
i, can be applied at the output of the small-signal equivalent circuit and the input
voltages v;,; and v;,; set to zero (Fig. 3.43). Analysis shows (Problem 3.13) that

Uou 1
Fow = 7 = 5 {@a + 8m)28ai + 8m) + 8o) = 8algmi + 8}
(3.89)
where D is defined in Eq. (3.84).
For 8Bmis Emi > 8os Bdis 8di» the apprOXimation
Fout = _ (3.90)
g+ gai )

can be used.

3.6 FREQUENCY RESPONSE OF MOS AMPLIFIER STAGES

In previous sections the linearized (small-signal) performance of MOS amplifier
stages was analyzed at low frequencies. Thus the parasitic capacitances illustrated
in the equivalent circuit of Fig. 2.16 were ignored. For high-frequency signals,
however, the admittances of these branches are no longer negligible, and hence
neither are the currents which they conduct. Then the gains and the input impedances
of the various circuits all become functions of the signal frequency w. These effects
are analyzed next.

Consider again the all-NMOS single-ended amplifier (Fig. 3.22), discussed in
Section 3.3. Using the equivalent circuit of Fig. 2.16, the high-frequency small-signal
equivalent circuit of Fig. 3.23a resulted. In the circuit, R; is the output impedance of
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Figure 3.44. Simplified equivalent circuit of the MOS gain stage using Miller’s theorem.

the signal source and C; is the load capacitance. This circuit was then simplified to
that of Fig. 3.23b, which (in the Laplace transform domain) was shown to have the
frequency response given in Eq. (3.42). With the approximations g,,1 = ® Ceg1, Gieq
> 0 (Coa1 + Cleq), the frequency response of Eq. (3.49) resulted. It corresponded to
the simplified equivalent circuit of Fig. 3.24, which was then used to introduce the
Miller effect.

The accuracy of the simplified circuit can be improved by restoring the two
capacitances Cy.q and C,y which load the output node in the exact circuit of Fig.
3.23b. Also, in the numerator of Eq. (3.42), the term sC,, was neglected in compari-
son with g,,;. At higher frequencies, this is no longer justified. To restore the sCy4
term, the gain of the controlled source g,,; can be changed to g,; — sCys in the
equivalent circuit. The resulting circuit is shown in Fig. 3.44. The corresponding
transfer function is

Gs(Sngl — gml)
(SCin + Gs)[s(CLeq + ngl) + GLeq] ’

ASs) = (3.91)

where C;, is given by Eq. (3.44). This function has a right-half-plane (positive) real
zero at

Em1
.= = 3.92
5z ngl ( )

and two left-half-plane (negative) poles at

spl - _C_m ’

3.93
G (3.93)
r2 (Cfeq + ngl) ‘

Normally, C,y; is small. Hence s, > |s,|, and if Cy.q is also small, then [so| 2 |-
Then s, is closest to the jw axis and is therefore the dominant pole of the circuit.
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The frequency response A ( jw) can be obtained simply by replacing s by jw in
(3.91). It can be arranged in the form

G,Com jo — s,
Cin(cbeq + ngl) (J'm - spl)(j'w - Sp2) .

A (jw) = (3.94)

If |sp1| << |sp2] and s,, the 3-dB frequency (i.e., the frequency where |A,(jw)| is 1/
2 times its dc value) is

Wagp = |Sp1| = ‘é— . (3.95)
mn

For high gain, an active (current-source) load can be used. A CMOS gain stage with
a p-channel current source as active load and capacitive loading is shown in Fig.
3.45a; the corresponding high-frequency linear equivalent circuit in Fig. 3.45b. De-
fining

GLeq = 8a1 + a2, (3.96)

Creq = Cap1 + Carz + Cer + Cy,

the simplified circuit of Fig. 3.45¢ results.

Using the approximation yielding Fig. 3.44 for the NMOS gain stage, the circuit
of Fig. 3.45d can be obtained. Obviously, the circuit in Fig. 3.45d is identical to
that in Fig. 3.444d, and hence the transfer function of Eq. (3.91) is also valid for the
circuit of Fig. 3.45d. The poles and the zero are also given by Egs. (3.92) and (3.93).
The dominant pole is normally s,; = — G,/Ci,. Notice, however, that G, in Fig.
345 is g5 + gn, while in Fig. 344 it is g5 + gn + gm2 + &ms2- Since the
former is much smaller, s, for the circuit of Fig. 3.45 is at a much lower frequency
than that of Fig. 3.44.

Figure 3.46a shows a CMOS cascode gain stage with an active load. C; represents
the capacitive load of the stage. Figure 3.46b and ¢ show the detailed and simplified
high-frequency linearized equivalent circuits, respectively. Using Miller’s theorem,
the circuit of Fig. 3.46d results, where

1
82 = 8m2 + ’
ram

8m
C] = Cgsl + (1 + g'_;)cgdh (397)

m
C = Coa1 + Capi + Cga + Capa,
Creq = Cr + Coin + Capa + Caps + Cias,

’ —
Em1 = 8m — scgd1°
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(b)
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87

Figure 3.45. (a) CMOS gain stage with active load and capacitive loading; (b) equivalent
circuit of the CMOS gain stage; (c) simplified equivalent circuit of CMOS gain stage; (d)

simplified equivalent circuit of CMOS gain stage using Miller’s theorem.
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Figure 3.46. (a) Active-load cascode stage with capacitive loading; (b) high-frequency
equivalent circuit of the cascode stage; (c¢) simplified high-frequency equivalent circuit of
the cascode stage; (d) simplified equivalent circuit of the cascode stage obtained using Miller’s
theorem.
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The circuit of Fig. 3.46d can easily be analyzed (thanks to the Miller approxima-
tion, which neatly partitioned it into buffered sections). The result is

G8m2(sCot — 8m1)

ASs) = 3.98
) = G F CC; + 8Creg + 80 G:98)
from which the zero and the poles can be recognized directly:
= 8ml
‘ ngl ’
S, = Gs
pl — T~
C (3.99)
82
§p2 = — 62 ’
.S'p3 = - éL:; .

For practical values, usually |s,;| < s, |Sy2), |Sp3}- Then s, is the dominant pole,
and the 3-dB frequency is given by

_ Isp1] _ G
faaB = 2w = 2uC, (3.100)

Typically, gm = 8ma; then C; = Cgyq + 2C,q and f3gp = G,/[27(Cysy + 2Coun)]-
By contrast, for the simple inverter stage of Fig. 3.45a the corresponding value is
G/{2m[Cyr + (1 + gm1/GLeq)C a1}, as Egs. (3.91) and (3.52) show. Since g,,;/
Gleq is the magnitude of the dc gain of the stage, it is usually large. Hence the
dominant pole (and thus the 3-dB frequency) is much smaller for the simple gain
stage than for the cascode circuit. This confirms the effectiveness of the latter for
high-frequency amplification.

The analysis of the NMOS source follower is straightforward. Figure 3.47a shows
the actual circuit; Fig. 3.47b and ¢ show the high-frequency small-signal equivalent
circuits. The transfer function can be readily derived (Problem 3.15); the result is

B 5Ces1 + &m
AL) = T Oy ¥ (g T G’ (3.101)
where
Creq = CL + Copt + Canz + Cymr, (3.102)

Greq = 8a1 + 8a2-
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Figure 3.47. (a) NMOS source follower with capacitive loading; (b) equivalent circuit of
the NMOS source follower; (¢) simplified equivalent circuit of the NMOS source follower.
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Vint
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Figure 3.48. CMOS differential stage with capacitive loading. Circuit for Problem 3.2.

The zero and the pole are hence

_ —8ml '
R (3.103)

and

5 = _8m + Gigy
P Cos1 + Clreg

Choosing Greq/gm1 == Cleq/Cgs1 » 5; = 5p can be achieved. Then A (5) = Cg/(Cgs1
+ Creq), and hence the gain is constant up to very high frequencies, where higher-
order effects cause it to drop. In the actual implementation, in order to meet the
condition on Cpeq/Cgs, it may be necessary to connect a capacitor C in parallel with
Cgs1, that is, between the input and output terminals. Then Cg should be replaced
by Cgz + C in the relations above.

The small-signal analysis of the differential amplifier stage of Fig. 3.42a can, in
principle, be performed similarly. Thus in the small-signal equivalent circuit of each
transistor the stray capacitances can be included and a nodal analysis performed in
the Laplace transform domain. The process becomes quite complicated, however,
since the numbers of both nodes and branches are high.

Consider now the CMOS differential stage shown in Fig. 3.48. If only Q; has
an input voltage, while the output voltage is used only at node B, the load capaci-
tances usually satisfy C .z > Cp4. Furthermore, since Qs is driven with its gate and
drain shorted, it presents a large load conductance g,,3 + gs3 = gn3. By contrast,
the conductance connected to node B is g, + gu4, a small value. Hence the time
constant of the admittance connected to node B, 13 = Crp/(8s + gus), is likely
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to be several orders of magnitude larger than that at node A, T4 = Cp4/gm3. The
time constant at node C is also small, since @, and Q, load this node with the large
conductance g,,; + Zm2-

Clearly, in a situation like that represented by the circuit of Fig. 3.48, the general
nodal analysis is very complicated. Thus either a computer program (such as SPICE)
that can perform the frequency analysis of linearized MOS circuits should be used
or some simplifying assumptions made in the theoretical analysis. For the circuit of
Fig. 3.48, it was verified above that the dominant pole is that corresponding to the
largest time constant p: its value is |s,1| = (842 + 844)/Crs. Therefore, for example,
the differential-mode voltage gain can be approximated by

A Emi
AamlS) = T o/ [spi]  5Cis + (8ai + 8a))

(3.104)

Here it was assumed that Q, and Q, as well as Q3 and Q, are matched devices,
and Eq. (3.88) was used. The 3-dB frequency can also be (approximately) predicted
from Eq. (3.104) as (g4 + g4)/27Cpp. '

The same approximation can be used to find the common-mode voltage gain:

Aw® e
1+ s/ |sp 28m sCrg + (8ai + 8a)

Acm(s) = (3.105)

Here g is the output conductance of the current source. In a CMOS op-amp, the
common source of the p-channel devices is tied to an n well. There is a large stray
capacitance C between the n well and the Vpp lead, which reduces the impedance
between node C and ground at high frequencies. The effect of C can be incorporated
in (3.105) simply by replacing g by g + sC. Then

8ai g + sC
A(s) = — 3.106
(<) 28m sCrp + (8ai + 8a ( )
results. The zero at s = — g/C will cause |Ac,/Aun| to increase by 20 dB/decade at

high frequencies, thus causing a reduced CMRR.

PROBLEMS

3.1. For the circuit of Fig. 349,y = 2 V2 || = 03V, Vy =2V, Vpp = 10
V,and V,; = 2.5i,i = 1,2,3. Find the W/L values for Q,, Q,, Qs, and Q, if
the currents drawn at the nodes V,,;, V,,, V.3, V,4 are negligible.
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(WL,

Figure 3.49. NMOS voltage divider.

Derive the formulas for the W/L ratios of Fig. 3.49 if the currents drawn at the
nodes V,, V,,, and V,; are not negligible.

Prove Eq. (3.7) for the circuit of Fig. 3.3.
Prove Eq. (3.25) for the circuit of Fig. 3.11.

In Figs. 3.10 and 3.11, assume that r, > r;; and g2 = gm3. Show that the
output resistance is increased by the open-circuit voltage gain of Q.

(a) Prove that Eq. (3.25) holds for the circuit of Fig. 3.12. (b) Analyze the
circuit of Fig. 3.13. How much is r,,? Show that the output resistance is that
of ,, magnified by the voltage gain of ;.

Calculate the gain of the circuit of Fig. 3.23 without neglecting the r ;.
Prove Egs. (3.56) and (3.57) for the circuit of Fig. 3.29.
Prove Eq. (3.64) for the circuit of Fig. 3.30.

3.10. (a) Derive the relations for v, ; and v, . of the source-coupled stage (Fig. 3.38)

if the circuit is not exactly symmetrical. (b) Rewrite your relations in the form

Uod = Addvm.d + Achin.w

Uoe = Acdvin.d + AccVin,c-

What are Ay, Ay, and A 4, and A7 (¢) Let the maximum difference between
symmetrically located elements in the small-signal equivalent circuit be 1%.
How much are the maximum values of |4.4 and |A;|?
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3.11. Derive Eq. (3.84) for the circuit of Fig. 42a. (Hint: Write and solve the current

equations for nodes A, B, and C.)

3.12. Modify the CMOS differential stage of Fig. 3.42 so that it has differential

output signals. Compare the differential gain with that of the original circuit!

3.13. Prove that the small-signal output impedance of the circuit of Fig. 3.43 is

given by Eq. (3.89). (Hint: Write and solve the current law for nodes A, B,
and C.)

3.14. Analyze the CMOS gain stage of Fig. 3.45 in the Laplace domain. (a) Find

the exact transfer function A, (s) from Fig. 3.45c¢. (b) Use Miller effect approxi-
mation to derive the simplified circuit of Fig. 3.45d; analyze the simplified
circuit to verify Eq. (3.91).

3.15. Analyze the NMOS source follower of Fig. 3.47; verify Eq. (3.101).

3.16. Analyze the cascode gain stage of Fig. 3.46 in the Laplace transform domain.

(a) Venfy the equivalent circuits of Fig. 3.46b to d. (b) Show that Eq. (3.98)
holds for the circuit of Fig. 3.464.
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CHAPTER 4

CMOS OPERATIONAL AMPLIFIERS

The CMOS operational amplifier is the most intricate, and in many ways the most
important, building block of linear CMOS and switched-capacitor circuits. Its perfor-
mance usually limits the high-frequency application and the dynamic range of the
overall circuit. It usually requires most of the dc power used up by the device.
Without a thorough understanding of the operation and the basic limitations of these
amplifiers, the circuit designer cannot determine or even predict the actual response
of the overall system. Hence this chapter includes a fairly detailed explanation of
the usual configurations and performance limitations of operational amplifiers.

The technology, and hence the design techniques used for MOS amplifiers, change
rapidly. Therefore, the main purpose of the discussion is to illustrate the most important
principles underlying the specific circuits and design procedures. Nevertheless, the treat-
ment is detailed enough to enable the reader to design high-performance CMOS opera-
tional amplifiers suitable for most linear CMOS circuit applications.

4.1. OPERATIONAL AMPLIFIERS [1, Chap. 10; 2, Chap. 6]

In switched-capacitor circuits—in fact, in all linear CMOS circuits—the most com-
monly used active component is the operational amplifier, usually simply called the
op-amp. Ideally, the op-amp is a voltage-controlled voltage source (Fig. 4.1) with infi-
nite voltage gain and with zero input admittance as well as zero output impedance. It
is free of frequency and temperature dependence, distortion, and noise. Needless to
say, practical op-amps can only approximate such an ideal device. The main differ-
ences between the ideal op-amp and the real device are the following [2, Chap. 6]:
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(a)

Vaooro ) 2
vb e
A(vg=vp) Vo A-—+» oo
(b)

Figure 4.1. (a) Symbol for ideal op-amp; (b) equivalent circuit.

. Finite Gain. For practical op-amps, the voltage gain is finite. Typical values

for low frequencies and small signals are A = 10% to 10°, corresponding to
60 to 100 dB gain.

. Finite Linear Range. The linear relation v, = A(v, — v,) between the input

and output voltages is valid only for a limited range of v,. Normally, the
maximum value of v, for linear operation is somewhat smaller than the
positive dc supply voltage; the minimum value of v, is somewhat positive
with respect to the negative supply.

. Offset Voltage. For an ideal op-amp, if v, = v, (which is easily obtained by

short-circuiting the input terminals), v, = 0. In real devices, this is not exactly
true, and a voltage v, o # 0 will occur at the output for shorted inputs. Since
U, ot 1S usually directly proportional to the gain, the effect can be more
conveniently described in terms of the input offset voltage v, o5, defined as
the differential input voltage needed to restore v, = 0 in the real device.
For MOS op-amps, w0 is typically =2 to 10 mV. This effect can be
modeled by a voltage source of value v, o5 in series with one of the input
leads of the op-amp.

. Common-Mode Rejection Ratio (CMRR). The common-mode input voltage

is defined by

+
Une = 5, @.1)

as contrasted with the differential-mode input voltage
UVind = Uag — Up. 4.2)

Accordingly, we can define the differential gain A, (which is the same as
the gain A discussed earlier), and also the common-mode gain A¢, which
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4+

Vo
- Figure 4.2. Op-amp with only common-mode

input voltage.

can be measured as shown in Fig. 4.2, where Ac = v,/tin.. Here v o =
0 is assumed; |Ac]| is usually around 1 = 10.

The CMRR is now defined as Ap/Ac or (in logarithmic units) CMRR =
20 log;o (Ap/Ac) in decibels. Typical CMRR values for CMOS amplifiers
are in the range 60 to 80 dB. The CMRR measures how much the op-amp
can suppress noise, and hence a large CMRR is an important requirement.
Frequency Response. Because of stray capacitances, finite carrier mobilities,
and so on, the gain A decreases at high frequencies. It is usual to describe
this effect in terms of the unity-gain bandwidth, that is, the frequency f, at
which JA(fo)| = 1. For CMOS op-amps, fj is usually in the range 1 to 100
MHz. It can be measured with the op-amp connected in a voltage-follower
configuration (Problem 4.13).

Slew Rate. For a large input step voltage, some transistors in the op-amp
may be driven out of their saturation regions or cut off completely. As a
result, the output will follow the input at a slower finite rate. The maximum
rate of change dv,/dt is called the slew rate. It is not directly related to the
frequency response. For typical CMOS op-amps, slew rates of 1 to 20 V/ps
can be obtained.

Nonzero OQutput Resistance. For a real CMOS op-amp, the open-loop output
impedance is nonzero. It is usually resistive and is on the order of 0.1 to 5
kQ for op-amps with an output buffer; it can be much higher (= 1 M(2) for
op-amps with unbuffered output. This affects the speed with which the op-
amp can charge a capacitor connected to its output, and hence the highest
signal frequency.

. Noise. As explained in Section 2.7, the MOS transistor generates noise, which

can be described in terms of an equivalent current source in parallel with
the channel of the device. The noisy transistors in an op-amp give rise to a
noise voltage v, at the output of the op-amp; this can again be modeled by
an equivalent voltage source v, = vp/A at the op-amp input. Unfortunately,
the magnitude of this noise is relatively high, especially in the low-frequency
band, where the flicker noise of the input devices is high; it is about 10 times
the noise occurring in an op-amp fabricated in bipolar technology. In a wide
band (say, in the range 10 Hz to 1 MHz), the equivalent input noise source
is usually on the order of 10 to 50 wV rms, in contrast to the 3 to 5 pV
achievable for low-noise bipolar op-amps.

Dynamic Range. Due to the limited linear range of the op-amp, there is a
maximum input signal amplitude i, max Which the device can handle without
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Figure 4.3. Noisy feedback amplifier.

generating an excessive amount of nonlinear distortion. If the power supply
voltages of the op-amp are + V¢, an optimistic estimate is vy max =Vec/A,
where A is the open-loop gain of the op-amp. Due to spurious signals (noise,
clock feedthrough, low-level distortion such as crossover distortion, etc.)
there is also a minimum input signal vy mix Which still does not drown in
noise and distortion. Usually, v, mi, iS on the same order of magnitude as
the equivalent input noise v, of the op-amp. The dynamic range of the op-
amp is then defined as 20 10g;0(¥in.max/Vin.min) Measured in decibels. When
the op-amp is in open-loop condition, w4, max = Vec/A, which is on the order
of a millivolt, while v, mi, = V12, which is around 30 V. Thus the open-
loop dynamic range of the op-amp is only around 30 to 40 dB. However,
the dynamic range of a circuit containing op-amps in negative feedback
configuration can be much larger. As a simple illustration, consider the feed-
back amplifier shown in Fig. 4.3. It is easy to show (Problem 4.1) that the
output due to the noise source v, acting alone has the rms value

Va

Yo = 174 + RJR, + Ry) " (4.3)
The voltage gain of the (noiseless) feedback circuit is
Lo - ! (4.4)

n VA + (RJ/Ry) (1 + 1/A)"

The minimum input signal v, min gives rise to an output voltage approxi-
mately equal to u,,. Hence

= /A + (R/R)(1 + V/A)
Unmin = V22 /A + R/(R, + Ry 4.5)

and for Up, max = Vcc,

| 1 R 1
Yin.max = VCC I;I + ‘I—é (1 + Z):' - (46)
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Hence the dynamic range is given by

Vec (1 . R )| _ Vee R
20 loguo [\/j (A TR+ Rz)] = 20 loguo (\/5 R + Rz)’ @7

where the indicated approximation in usually valid for A > 1. For typical
values (Ve ~ 5 V, tinmin = Va2, = 30 WV, Ry/R; = ), a dynamic range of
about 90 dB results for the overall circuit.

In linear CMOS circuits, dynamic range values around 80 to 90 dB are
readily achievable. Even higher values (up to 100 dB) are possible if the
large low-frequency noise (1/f noise) is canceled using a differential circuit
configuration and chopper stabilization [3].

10. Power Supply Rejection Ratio (PSRR). If a power supply voltage contains
an incremental component v due to noise, hum, and so on, a corresponding
voltage A,v will appear at the op-amp output. The PSRR is defined as Ap/

.A,, where Ap = A is the differential gain. It is common to express the PSRR
in decibels; then PSRR = 20 log,o(Ap/A,). Usual PSRR values range from
60 to 80 dB for the op-amp alone; for a switched-capacitor circuit, 30 to 50
dB can be achieved.

11. DC Power Dissipation. 1deal op-amps require no dc power dissipated in the
circuit; real ones do. Typical values for a CMOS op-amp range from 0.25
to 10 mW dc power drain.

To obtain near-ideal performance for a practical op-amp, the general structure
of Fig. 4.4 is usually employed [1, Chap. 10]. The input differential amplifier (first
block) is designed so that it provides a high input impedance, large CMRR and
PSRR, low offset voltage, low noise, and high gain. Its output should preferably be
single-ended, so that the rest of the op-amp need not contain symmetrical differential
stages. Since the transistors in the input stage (and in subsequent stages) operate in
their saturation regions, there is an appreciable dc voltage difference between the
input and output signals of the input stage.

The second block in Fig. 4.4 may perform one or more of the following functions:

1. Level Shifting. This is needed to compensate for the dc voltage change occur-
ring in the input stage, and thus to assure the appropriate dc bias for the
following stages.

| [ Level shift, | __ I
Va . differential ditferential- output

o input amplifier | to-single-ended | _| butfer stage
Vb P P gain stage 9

Figure 4.4. Block diagram for a practical op-amp.
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2. Added Gain. In most cases the gain provided by the input stage is not sufficient,
and additional amplification is required.

3. Differential-to-Single-Ended Conversion. In some circuits the input stage has
a differential output, and the conversion to single-ended sigfials is performed
in a subsequent stage.

The third block is the output buffer. It provides the low output impedance and
larger output current needed to drive the load of the op-amp. It normally does not
contribute to the voltage gain. If the op-amp is an internal component of a switched-
capacitor circuit, the output load is a (usually small) capacitor, and the buffer need
not provide a very large current or very low output impedance. However, if the op-
amp is at the circuit output, it may have to drive a large capacitor and/or resistive
load. This requires large current drive capability and very low output impedance,
which can only be attained by using large output devices with appreciable dc bias
currents. Thus the dc power drain will be much higher for such output op-amps than
for interior ones.

As mentioned earlier, the ideal op-amp defined in Fig. 4.1 is a voltage-controlled
voltage source, with zero output impedance. In fact, for practical op-amps, which
do not have an output buffer, the output impedance may be very high, on the order
of megohms. For such an amplifier, a better ideal representation can be found as a
voltage-controlled current source, with a transconduction G,, value that is infinitely
large. This ideal model is called an operational transconductance amplifier (OTA).
If the op-amp has sufficiently high voltage gain and is in a stable feedback network,
its output impedance is reduced to a very low value, and the difference between the
performances of an op-amp and OTA can be neglected.

In a class of continuous-time filters, a finite-G,, transconductance is required.
Here a low but accurately controlled value of G,, needs to be achieved. The corre-
sponding active device is called a transconductor; it is not to be confused with an
OTA. In the remainder of this chapter, the properties of typical CMOS op-amps and
OTAs are described, and analysis and design techniques are given for them. Unless
otherwise postulated, we assume that all devices are operated in the saturation region.
Then ip is to a good approximation independent of vy and is given by ip = k'(W/
L)(vGs — Vr)*. Here, due to body effect, V- depends on the source-to-body voltage.

4.2. SINGLE-STAGE OPERATIONAL AMPLIFIERS

A practical block diagram of an MOS op-amp was shown in Fig. 4.4 and is repro-
duced in more detail in Fig. 4.5. The voltage gain required is obtained in the differen-
tial (G,) and single-ended (G,) gain stages. The output stage (G3) is usually a
wideband unity-gain low-output-impedance buffer, capable of driving large capaci-
tive and/or resistive loads. If the op-amp is used in an internal (as opposed to output)
stage of a switched-capacitor circuit, the load may be only a small capacitor, 2 pF
or less. In such a situation, the output buffer (G;) may be omitted, and the load may
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Figure 4.5. Basic building blocks of an operational amplifier.

then be connected directly to the output of G,. It will then function as an operational
transconductance amplifier (OTA). In Fig. 4.5, if the combination of the differential
stage and differential-to-single-ended converter provides adequate gain and output-
voltage swing, G, can also be omitted and the load may be driven directly by the
differential stage. Again, the circuit will then realize an OTA.

The CMOS differential stage with an active load is shown again in Fig. 4.6. It
was introduced in Chapter 3. This stage combines the functions of a differential
amplifier and differential-to-single-ended converter. The role of the differential am-
plifier is to amplify the difference between the two input voltages, v and v7, regard-
less of the common-mode voltage. The differential stage is therefore characterized
by its common-mode rejection ratio (CMRR), which is the ratio of the differential
gain to the common-mode gain. The differential gain Az, = v /(vi — v7) was
derived in Chapter 3 and is given by

gmi
Adm = Bmito = Smi(”a'z""’m) = m . (4.8)

In this equation, 1/(gs» + ga44) is the output impedance seen at the output of the
differential stage, and g, is the transconductance of the input devices @, and Q5.

Vop

Figure 4.6. CMOS differential stage with ac-
tive load.
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The differential stage of Fig. 4.6 used as a single-stage op-amp has two major
shortcomings. First, the total voltage gain is limited to the gain of a single-stage
amplifier, which is typically about 50. Second, the output voltage swing is limited
to the range

Vpsats = U = Upe + V7o, 4.9)

where v, is the common-mode input voltage defined as v, = (vf + v7)/2, and
Vzp is the threshold voltage of the p-channel devices. Obviously, in most cases the
low voltage gain and the narrow output swing prevent the differential stage of Fig.
4.6 from being useful as a single-stage op-amp.

The gain of the differential stage can be increased in two ways, by increasing
the transconductance of the input devices ¢y and @5, or by increasing the output
impedance seen at the output of the stage. As can be seen from the relation g, =
2\ K’ (WIL)Io/2 , transconductance can be increased by increasing the width of the
input devices and/or by increasing the bias current. Notice that reducing L, the
channel length of the input devices, can also increase the transconductance. This,
however, also has the opposite effect of reducing the output impedance 1/g,; of the
input devices (due to channel-length modulation effect), and hence by Eq. (4.3)
reduces the gain. Increasing the width or the current of the stage will increase the
size or the power dissipation of the circuit. Therefore, a more efficient way to increase
the gain is to increase the output impedance r,.

As is evident from Fig. 4.6, to increase the output impedance r,, both r5 and
ra4 have to be increased. This can be achieved by using the cascode current source
as load. Figure 4.7 illustrates a differential stage that uses cascode transistors to
increase the voltage gain by increasing the output impedance. Here devices 0,0
and 0,,0;. form two source-couple cascode amplifiers, while O3, O3, O, and Oy

Figure 4.7. CMOS differential stage with cascode
load.
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Figure 4.8. CMOS differential stage with cascode load
and common-mode biasing scheme.

form a cascode current source that acts as an active load. For symmetrical dimensions
(WIL), = (WIL),, (WIL)3 = (WIL)4, (WIL)\c = (WIL)., and (W/L)3. = (W/L)4c
the output impedance of the stage is,

To = 8macld2cT a2 || 8mactdac Taan (4.10)

where r; || r, denotes parallel-connected r, and r; (Problem 4.3). Since gn2c7a2c and
Zmaclaac are normally much greater than 1, r, = (rp || 744), which is the output
impedance of the differential stage of Fig. 4.6. The differential voltage gain of the
stage of Fig. 4.7 is given by

Adm = E8m1To = 8mi{8macTrcTar || 8mactaacraa)- (4.11)

The use of cascoding increases the gain of the differential stage substantially.
The disadvantage is, however, that the voltage drops across the additional transistors
Q). and Qs result in a reduction in the allowable input common-mode range and
output voltage swing. The swing performance can be improved by using high-swing
biasing of the cascode, as discussed in Section 3.3. The input common-mode range
can also be improved, by using a bias voltage for Q,. and Q,. that tracks the input
common-mode voltage. One circuit that accomplishes this is shown in Fig. 4.8,
where @, and I, have been added to bias the gates of Q;. and Q.. The W/L ratio
of Q, and the value of current /. can be selected in such a way that @, and Q;
remain biased at the edge of the saturation region as the input common-mode voltage
changes. Obviously, the bias voltage Vi,;,s will be one Vg drop (of Q) below the
voltage V. of the common source. Even though the performance of the circuit of
Fig. 4.8 improved over that of Figs. 4.6 and 4.7, due to the very limited output
voltage swing the stage is normally not useful as a single-stage op-amp.
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Figure 4.9. Folded-cascode op-amp consisting of a cascade of common-source and common-
gate amplifiers.

Some of the problems described with the differential stage of Fig. 4.8 can be
eliminated by using the folded-cascode configuration [4]. Consider the circuit of
Fig. 4.8; let the bottom terminals (i.e., the sources of Q5 and Q,) of the composite
load @5, Q4 and Q). to Q4. be disconnected from Vg, folded up, and connected to
Vpp instead. To assure proper dc bias currents, all NMOS devices must be replaced
by PMOS types, and vice versa in the cascode loads; also, two additional current
sources (Qs and Qg) must be added between Vs and the drains of Q, and O, to
supply bias currents to these input devices. The resulting single-stage op-amp is
shown in Fig. 4.9. The basic operation of the circuit is as follows. The dc current
I, of the current source Q- is shared equally by O, and Q,. Also, the matched sources
Qs and Q¢ draw equal bias currents [, from nodes A and B. Hence Q,. and Q. also
carry equal bias currents I, — I,/2. A differential input voltage Av,;, = Av,/2 and
Adv, = — Au,/2 applied to the gates of 0, and @, will offset their drain currents
by +Al, = *g,; Auv,/2. Since the currents [, of Qs and Q¢ remain unchanged,
the currents of Q. and Q.. (which are driven at their low-impedance source termi-
nals) will also change by *AI[,. The current mirror Q3, Q4, Qs., and Q. transfers
the current change in Q5 and Qs to @4 and Q4. Hence the output voltage increment
is gmiR, A v, where R, is the output impedance at node D. It can be shown (Problem
4.4) that

Ro = (rd-irdticgmatc) " [(fdz"-"d&) rtﬂcgmk]- (412)
The incremental gain is then
Aim = —8milo = — (raaraac8mac) | [(raz || 7a6) Tarc8mac] 8mic  (4.13)

A disadvantage of the folded-cascode op-amp is the reduced output voltage swing
due to the many (four) cascoded devices in the output branches. The swing can be
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Figure 4.10. Folded cascode op-amp with improved biasing for maximum output voltage
swing.

increased if one of the bias circuits of Fig. 3.15 or 3.16 is used to establish the gate
voltages of Q). to Qy such that the drain-to-source voltages of Q3 to Q¢ are only
slightly larger than Vpg,. In Fig. 4.10 the bias circuits of Fig. 3.16 has been added
to the op-amp. It can be shown (Problem 4.5) that the necessary aspect ratios are

CR R R I

For this circuit it can also be shown that the maximum output voltage swing is
within the range

Voo — |Vpsas| = |Vosasc| = tout = Vss + Vpsas + Vpsae:  (4.16)

Thus the range lost at both the upper and lower limits is only 2|Vp,|. The cascode
op-amp shown in Fig. 4.10 has a large voltage gain and a reasonably large output
voltage swing. Hence it can be used as a single-stage OTA.

Consider next the high-frequency behavior of the circuit of Fig. 4.10. The poles
of the gain stage are contributed by the stray capacitances loading nodes A, B, C,
and D. The dominant pole s, of the circuit is due to the load capacitance C; in
parallel with the output impedance R, given by Eq. (4.12); hence its value is

1

= - ko (4.17)
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Figure 4.11. Small-signal low-frequency repre- 2
sentation of the folded-cascode op-amp. =

The resistance seen at node A is approximately 1/g,,;c; at node B it is approximately
1/g,nz2c; and at node C it is approximately 1/g,,s. Since 1/g,, is on the order of 1 k{}
and stray capacitances are much smaller then C,, the corresponding poles 5,3, sp3,
and 5,4 are usually at much higher frequencies then s,,. The approximate low-
frequency equivalent circuit is therefore that shown in Fig. 4.11. Here the input
stage is represented by its simple Norton equivalent circuit, obtained using Eqgs.
(4.12) and (4.13). The overall transfer function is therefore

__ Vouds) —8milo A40)
Afs) = Vib — Vo 1 — s/, 1 - (s/5p1)°

(4.18)

The frequency response is obtained by replacing s by jw.

4.3. TWO-STAGE OPERATIONAL AMPLIFIERS

The single-stage operational amplifier was discussed in Section 4.2. Another widely
used CMOS op-amp uses the two-stage configuration based on the system of Fig.
4.5. This implementation is derived directly from its bipolar-transistor counterpart
[5]. A simple two-stage CMOS implementation of the scheme of Fig. 4.5 is shown
in Fig. 4.12, where the second gain stage, G,, drives a source follower. In this circuit

Figure 4.12. Uncompensated two-stage CMOS operational amplifier.
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Qs acts as a simple current source, and devices Q, to Qs form a differential stage
(cf. Fig. 4.6) with a single-ended output. Transistors Qg (acting as the driver device)
and @, (acting as the load) form the second gain stage, which also acts as a level
shifter. Finally, the source follower consisting of Qg as driver and Qs as load realizes
the output buffer. The low-frequency differential-mode gain of the input stage can
be obtained from Eq. (4.8):

gﬂ'ﬂ"
Ay=—""7"7", 4.19
! 8ai t Bai ( )

where the subscript i refers to input, and [ to load device.
Here it is assumed that Q, is matched to Q,, and Q; to Q4. The low-frequency
gain of the inverter formed by Qg and Q- is clearly

__T8m6 (4.20)

Ay = .
2" ga6 + &n

The overall voltage gain A, is A,;A,,. For typical biasing conditions and device
geometries, A, = 10,000 to 20,000 can be achieved. The output terminals A and
B of both stages are high-impedance nodes; the low-frequency output impedance
of the input stage driving node A is

1

= — 4.21
8a t 8ai (4.21)

ol

that of the second stage (Qs, Q7) is

“en En “22)

RaZ

An equivalent circuit showing these impedances and also the parasitic capaci-
tances C4 and Cp loading nodes A and B, respectively, is shown in Fig. 4.13. It is

Vin—— - Ro1 @ Rga
Vin —— +
Ca Cs
input second I
stage stage

Figure 4.13. Block diagram showing the origin of the dominant poles.
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evident from the figure that the transfer function of the amplifier A (s) = Vou (5) /
[Vt (s) — [Vin (s)] will contain the factors

1/5Cy4 1/sCg _ 1
Ro] + la’SCA Rol + IJSCH - (l - SJSA){I - SJ"’SB) ’

(4.23)

where the poles are s, = —1/R,,C4 and sz = — 1/R,,Cg. Since R,; and R,, are
large, 54 and sp will be close to the jw axis in the s plane. Hence they will be the
dominant poles of the amplifier. The effects of other poles will be noticeable only
at very high frequencies.

If the op-amp is required to drive small internal capacitive leads only, the output
source follower (Qg, Qg) may be eliminated and the output taken directly from node
B. However, even for such capacitive loads, the maximum output current that can
be sourced is limited by the current source Q5.

For very high gain applications, the cascode differential amplifier of Fig. 4.8 can
be used as the first stage of the op-amp. A two-stage op-amp with the cascode
differential stage is shown in Fig. 4.14. Transistors Qg and Q, form a level shifter
between the output of the first stage and the input of the second stage, to balance
the dc level between the signal path. The gain of the first stage is given by Eq.
(4.11), and the total gain is |

Ems
A, = gmily) ———, 4.24
g'R'gde+gd;r ( )

where R, is given by Eq. (4.10). The frequency response given by Eq. (4.2.3} is
still valid, with s, = — 1/ R,,C,, where R,, is replaced by its new value given by
Eq. (4.10).

Figure 4.14. Two-stage op-amp with cascode differential stage.
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Figure 4.15. Improved uncompensated CMOS operational amplifier.

An improved CMOS op-amp [6] with increased output range and current drive
capability is shown in Fig. 4.15. The output stage consists of devices Qg to @y, with
Q¢ and Q7 acting as a level shifter and Qg and Qs acting as a class B push-pull
output stage. The dc biasing is designed so that Qs and Qg have equal-valued small
gate-to-source dc biases. This maximizes the linear v,,, range. The conceptual form
of the CMOS gain stage with the level shifter is shown in Fig. 4.16.

The low-frequency small-signal gain of the second stage can be found from the
equivalent circuit of Fig. 4.17. The node equation is

(8ms + 8mo)Uin + (8an + 8#9)Uou = 0, (4.25)
so that
Tout Ems + Emo
Ap =— = - ————— 4.26
27 Y gz T Bao (4.26)

Since g,, can be 100 times larger than g, the gain is high. The low-frequency small-
signal differential gain can easily be found from Eqgs. (4.19) and (4.26):

— 8mi 8ms + 8mo
-3 > . 427
8ot 8ai  8as T 80 .20
Thus |A,] can be as high as 20,000. However, if the circuit has to drive a resistive
load G, then gz + gs is replaced by g + go + G,, which normally reduces
the gain significantly. Also, for a large load capacitance C,, the pole of the compen-
sated op-amp in a feedback arrangement resulting from the time constant C./(gus
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+ ga) may move so close to the jo axis that instability occurs. Hence this op-amp
is again suited only for driving small-to-moderate-sized internal capacitive loads.

If the circuit of Fig. 4.15 is to be used to drive resistive loads, an output buffer
stage must be added. This may be simply a source follower, similar to that in Fig.
3.33. However, better output current sourcing and sinking, and lower output imped-
ance, can be obtained using more elaborate CMOS output buffers. These are dis-
cussed in Section 4.9.

Consider now the high-frequency behavior of the circuit of Fig. 4.15. As before,
nodes A and B are at a high impedance level and are responsible for the dominant
poles. The approximate equivalent circuit is shown in Fig. 4.18. Here, the input
stage is represented by a simple Norton equivalent, obtained using Egs. (4.19) and
(4.21). Similarly, the Norton equivalent of the output stage can be found from Egs.
(4.26) and (4.22). As before, the transfer function contains a factor similar to that
given in Eq. (4.23), where now s, = —(gn + ga)/Ca and s = —(gm + gao)
C;. The overall transfer function is therefore

Figure 4.16. CMOS gain stage with level shifter.

_ Vout(s) Em1 8ms + 8mo 1
Ads) = Vi — Vin  8n + 8as 8m + a0 (1 — s/54)(1 — S/sp) (4.28)

B AL0)
T (1 = s/l — shsg)

9m8Vings fd8

» Yout

+
Vin Img¥inSs 'd9
Figure 4.17. Small-signal equivalent circuit of =
=

the CMOS gain stage.
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Figure 4.18. Two-stage representation of the CMOS operational amplifier of Fig. 4.15.
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The frequency response is obtained by replacing s by jw. For low frequencies
(0 < [s4], [s8])

) Em1 Zms t+ Bmo
A =A(0) = X ) 4.29
L) A0) 82 t 8aa Eas + Bao (4.29)

For high frequencies (w > |s4|, |s5]),

. Av(ﬂ') - _ gml(gms + 3#!9}
A jw) m = " CiC, . (4.30)

Hence, for high frequencies, the amplifier inverts the input voltage. In switched-
capacitor applications the op-amp always has a feedback capacitor C connected
between its output and its inverting input terminals. A typical circuit is shown in
Fig. 4.19. A sine-wave signal V;, (jw) appearing at the inverting input terminal will
thus be amplified by — A (jw) and fed back to the input via capacitive divider C
and C,; here C| represents the overall capacitance of the input circuit driving the
op-amp, including stray capacitances, and so on.
The op-amp and capacitor C and C, form a feedback loop, with a loop gain

. C
AL = —ASfjo) 57 C (4.31)
i c
' i
| Ct
Vin(io) —| @ - Vout (o)
et -
in [ avio)
i Figure 4.19. Operational amplifier with
_.:_ @ n feedback capacitor C and input capacitor

= C‘Il’l .
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In addition to the input voltage v,,, the circuit also contains the voltage u,, represent-
ing the noise generated in (or coupled to) the op-amp. The circuit can be analyzed
by using the node equation at node A:

CilVin(jo — Via(jw)] + C[Vou(jw) — Vi (jw)] = 0 (4.32)

and the op-amp gain relation:

Vouljo) = Afjw)[V, (jo) — Vin(jw)]. (4.33)
This gives
.. —CV(jw) + (C + C)V,(jw)
Voul(}‘-'-‘) - C + {C + Cl)l(An(jm) B (434}

The output voltage can become (in theory) infinite if the input signal or noise contains
a sine-wave component with a frequency w,, such that

€+ G _
A jwy) ’ (4.35)
Cy

Au(jml)= -1 '—E.

C +

By Eq. (4.31) this corresponds to a loop gain of A, = 1, a condition for oscillation.

At dc and very low frequencies Eq. (4.29) shows that A4 ( jw) is positive, and
hence Eq. (4.35) cannot be valid. However, at high frequencies, by Eq. (4.30), A ( jw)
becomes negative real, and at some w, it may satisfy Eq. (4.35). When this occurs,
the circuit will become unstable, and it will oscillate with a frequency w,. In theory,
for our two-pole model, A ( jw) becomes negative real only for w —» %, however,
for large loop gain the circuit is only marginally stable for high frequencies, so that
any additional small phase shift due to the high-frequency poles neglected in Fig.
4.18 may cause oscillation. Even if stability is retained, the transient response con-
tains a lightly damped oscillation, which is unacceptable in most applications.

To prevent oscillation in feedback amplifiers, and to ensure a good transient re-
sponse, an additional design step (called frequency compensation)is needed. Itis based
on the stability theory of feedback systems and is discussed briefly in the next section.

4.4. STABILITY AND COMPENSATION OF CMOS AMPLIFIERS

In Section 4.3 it was shown that the CMOS op-amp of Fig. 4.15 is only marginally
stable when used in a feedback circuit. In this section the analysis of stability and
‘the design steps required to ensure stable feedback op-amps are discussed.

A systematic investigation of stability can be based on the general block diagram
of Fig. 4.20, which shows an op-amp in a negative feedback configuration. It is
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Figure 4.20. Operational amplifier with negative feedback.

assumed that k and a are positive constants, and k = 1. The voltage at the inverting
input terminal is :

Vian = aVip + kVyy (4.36)
and the output voltage is
Vouw = AS)Vin. (4.37)
Hence the voltage gain is
Vouls) _ _—aAs)

Ag®) = 200 = Taxs) + 1 (4.38)

A,y is often called the closed-loop gain, A, is the open-loop gain of the system; and
kA, is the loop gain. '

We assume next that all poles s; of A (s) are due to stray capacitances to ground
in an otherwise resistive circuit. (This is an acceptable approximation if inductive
effects are negligible, and all capacitances loading the high-impedance nodes are
connected between voltages that are in phase or 180° out of phase of each other.)
Then all s; are negative real numbers, and A(s) is in the form

K
Al = G — 9 - G = s @39

For s = jw, A/ jw) gives the frequency response of the op-amp. Its magnitude is
o

. IK]
ALjow)| = _ (o + [sP7 (4.40)
and its phase is given by
LAfjo) = LK — Y tan™! ﬁ (4.41)
i=1 i

Note that both |A( jw)| and £A ( jw) are monotone-decreasing functions of .
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The natural frequencies of the overall feedback system are the poles s, of A,/(s),
which by Eq. (4.38) satisfy the relation

KA (s,) + 1 =0. (4.42)

For stability, all s, must be in the negative half of the s plane; that is, the real parts
of all poles must be negative. Now assume that Re[ kA ( jw)] > — 1 for all real values
of w. Then kA ( jw) # — 1, and hence no s, can occur on the jw axis; furthermore, it
can easily be proven that if A,(s) has only poles with negative real parts, then under
the stated assumption, so will A,¢(s). The proof is implied in Problem 4.26. Thus
the condition

Re[kA [ jw)] > —1 for all w (4.43)

is sufficient to ensure stability. It is not, however, a necessary condition. Two other
sufficient conditions for stability can also readily be stated. Let w5, be the frequency
at which the monotone decreasing phase of kA ( jw) reaches — 180°; that is,

LKA [ jwige) = —180°. (4.44)

If now kA ( jw,g0) | < 1, Eq. (4.42) cannot hold on the jw axis, and hence the circuit
is stable. A measure of its stability is the gain margin, defined as

GM = gain margin (in dB) = 20 log,olkA . jw,g0)|- (4.45)

The gain margin must be negative for stability; the more negative it is, the larger the
margin of stability of the circuit. Normally, a margin of at least 20 dB is desirable.*

Next, let |kA [ jw;gp)| , which also decreases monotonically with w, reach the
value 1 (i.e., 0 dB) at the unit-gain frequency wy. Then, if the phase at w, satisfies
L kA [ jwo) > — 180°, the system will be stable. The phase margin PM, defined as
LkA [ jwg) + 180° is a measure of its stability; the larger the phase margin, the
more stable the circuit. Usually, at least a 60° (and preferably larger) margin is
required. This will also give a desirable (i.e., nonringing) step response for the
closed-loop amplifier. The overshoot, OS, of the step response of the feedback
system decreases rapidly with increasing phase margin: for PM = 60°, OS = 8.7%;
for PM = 70°, OS = 1.4%, and for PM = 75° OS = 0.008%.

All the stability conditions above can readily be visualized and checked using
Bode plots. These show |kA [ jw)| (in decibels) and ZkA ( jw) (in degrees) as func-

* The gain margin is harder to control, and hence much less often used, than the phase margin described
next.
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Figure 4.21. Bode plot for three real poles.

tions of w on a logarithmic scale. Typical plots are shown in Fig. 4.21 (dashed
curves) for the three-pole loop gain:

Ao
(1 — juwls))(1 — jois)(1 — jols;)’

kA jo) = (4.46)

with Ao = 10%, s, = —10rad/s, s, = — 10%rad/s, and s; = — 10° rad /s. Drawing the
magnitude plot is simplified by using an asymptotic approximation to the logarithmic
magnitude of the general term a,(jw) = 1/(1 — jw/s)):

jw w?
20 logyola] = —20 logo|l — 1= ~10 logjol 1 + Ef . (4.47)

Clearly, 20 log,o|a;| = O for |w| <€ |s;|, and 20 log,o}a;| = —20(log,ow — log;g|s,|)for
|w| > |s;|. Figure 4.22 illustrates the approximation of |a;| and also the phase Zai( jw)
of a{( jw). An important conclusion which can be drawn from the figure is that for
|w| > |51}, 20 log,g|a;| approaches a straight line with a slope of —6 dB/octave (i.e.,
decreases by 6 dB for each doubling of w), while Za; approaches —90° in this same
region. In particular, [£a,] = 90° for w > 5|s;|. Also, [Za;| = 30° for w < 0.5]s,;
this fact will be used later.
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Figure 4.22, Gain and phase responses for a factor ajjw) = (1 — jols;)™".

The logarithmic form of the loop gain satisfies

20 logyo [kA, (jo)] = 20 logiodo + E 20 logyo [a(jw)].  (4.48)
i=1

Therefore, at the unity-gain frequency wg the slope of the logarithmic loop gain
versus logarithmic frequency is approximately —6m dB/octave, while its angle is
around —90m degrees. Here, m is the number of those poles whose magnitude |s;|
is less than wg. Clearly, for a substantial positive phase margin (say 60°, so that
LKA [ jwo) > 120°), m should be less than 2. Ideally, m is 1 (i.e., there is only one
pole satisfying |s;] < wg), and the other poles have much larger magnitudes than
wg. Then the phase margin is close to 90°. (For Ag > 1, m = 0 is impossible.)

Returning to the example of Fig. 4.21, the solid lines show the asymptotic approxi-
mation to the logarithmic magnitude of kA, jw). The curves indicate that at the
unity-gain frequency wqo =~ 4 krad/s, the phase of kA (jw) is about —270°. Hence
the phase margin is negative, and the feedback system is potentially unstable.

The modification of kA ,(s), which changes an unstable feedback system into a
stable system, is called frequency compensation. Its purpose is usually to achieve
the ideal situation described above; thus we aim to realize a loop gain that contains
exactly one pole smaller in magnitude than w,, while all others are much larger.
Since the feedback factor k can be anywhere in the 0 < k = 1 range, and k = 1
represents the worst case (i.e., the largest wg and hence the smallest phase margin),
this will be assumed from here on. Note that k = 1 corresponds to C > C,, in Fig.
4,19 and k = 1 represents a short circuit between the output and the inverting input
of the amplifier. Such a circuit is shown in Fig. 4.77 in connection with Problem
4.13.

It will next be shown how to carry out the compensation for the op-amp of Fig.
4.15. Referring to its equivalent small-signal representation (Fig. 4.18), we will first
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Figure 4.23. Two-stage representation of a CMOS operational amplifier with a pole-splitting
capacitor C,.

attempt to achieve compensation by connecting a compensating capacitor C. between
the high-impedance nodes A and B, as shown in Fig. 4.23. It is well known (see
Ref. 2, Sec. 9.4) that for bipolar op-amps the addition of such capacitor moves the
pole associated with node A to a much lower frequency, while that corresponding
to node B becomes much larger. It is therefore often called a pole-splitting capacitor
and (for bipolar op-amps) accomplishes the desired compensation. The situation is
less favorable for MOS op-amps, as will be shown next. The node equations for
nodes A and B in Fig. 4.23 are

miVin + (82 + Bas + SCA)V4 + sC. (V4 — Vo) = 0 (4.49)
and
SCe (Vour — Va) + (8mg + 8mo) Va + (8as + g0 + sC)Vou = 0. (4.50)

Solving for V., the voltage gain

Ak = _"‘ﬂ;l,—(lsf‘)mpﬂ @51)
results. Hence the dc gain is
A = 8mi(8ms + 8mo) 4.52)
(82 + 8aaM gz + 8m0)
and the zero is
= Y (4.53)

-
Z C,r_-



118 CMOS OPERATIONAL AMPLIFIERS

The calculation of the poles is simplified if it is a [.:!l'iOI'i assumed that [s,;| > |s,;]
and that g,,s + gm0 = g + 8a4 OF g4z + gao. Then, after some calculation [2, p.
519] (see Problem 4.6),

(82 + Ba)(8as + 80) _  8mi
A P T A WOl @.54)
P27 CuC + (G4 + CC, I/C. + 1IC, + VC,’ :

where A is the dc gain given in (4.52).

Physically, C. (multiplied by the Miller effect) is added in parallel to C,, thus
reducing |s,;| by a very large (ca. 10) factor, while at the same time it increases
the second pole frequency |s,,| via shunt feedback.

Clearly, |s,;| decreases, while |s,,| increases with increasing values of C.. Thus
C. indeed splits the poles apart, as originally intended. Unfortunately, the desired
compensation is nevertheless usually not achieved, due to the positive (right-half-
plane) zero s,. For the usual case of 1/C. <€ 1/C4 + 1/C;, the inequalities

sl ~ S 5 5, > g (.56)
hold. The logarithmic magnitude of the factor (1 — jw/s,) is near zero for |w| < s,,
while it increases by about 6 dB/octave for |w| > s,. The phase of the factor is
—tan™"' (w/s,); it decreases from 0 to —90° as  grows from zero to infinity. As
aresult, the plots shown in Fig. 4.24 are obtained. Clearly, at the unity-gain frequency
wg the phase is less than — 180°. Hence in a feedback configuration the amplifier
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Figure 4.24. Amplitude and phase plots of the CMOS op-amp.
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Figure 4.25. Unity-gain buffer arrangement used to eliminate the right-plane zero.

can become unstable. Note that if g,,s + gmo would be increased, s./|s,|Ao would,
by Egs. (4.52) to (4.54), increase proportionally. It is clear from Fig. 4.24 that if s,/
|5p1] (in octaves) is greater than Ay (in dB)/6, the unity-gain frequency wy is less
than s, and the phase margin is positive. Thus, for sufficiently high g,, values (such
as are afforded by bipolar transistors), the inclusion of C. accomplishes the desired
stabilization. Unfortunately, the transconductance of MOSFETS is normally not high
enough for the purpose, and other arrangements must be found to eliminate s,.

One scheme for getting rid of s, is to shift it to infinite frequency. Physically,
the zero is due to the existence of two paths through which the signal can propagate
from node A to node B. The first is through C,, while the second is by way of the
controlled source (g + gmo)ua. For s = s, the two signals from these paths cancel,
and a transmission zero occurs. The zero can be shifted to infinite frequency by
eliminating the feedforward path through C,, at the cost of an extra unity-gain buffer
(Fig. 4.25). A detailed analysis shows (Problem 4.7) that the numerator of A (s) is
now simply Ag, while the denominator remains nearly the same as in Eq. (4.51). A
circuit implementing this scheme is shown in Fig. 4.26, where Q,0/Q,, form the
buffer.

Voo
Q4 Qy
Frn
|E'
- a QL i —1° - g %
"'in'—|E“| r-al—' Q
i i 10 L
L L. r‘;‘ar Vout
’ C.,; '-ql»
Q Q l .u 5 %
5
Vbias= 1[: ! I[: "
Vss

Figure 4.26. Internally compensated CMOS op-amp with unity-gain buffer used to avoid
the right-half-plane zero.
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An alternative (and simpler) scheme [7] can also be used. Consider the circuit
shown in Fig. 2.27. Nodal analysis shows (Problem 4.8) that its transfer function is

_ Ag(l — sfsz)
ALS) = T =51l = 5,1 — shipp)

(4.57)

Here Ay, 5,1, and s, are (as before) given by Eqs. (4.52), (4.54), and (4.55), while
now

1

= TR = U + 2IC (4.58)
1 /1 1 1
Sp3 = — R—C(a + a‘ + C_L) . (4.59)

As Eq. (4.58) shows, it is again possible for this circuit to shift s, to infinity, if R,
= 1/(gmgs + &mo) is chosen. Then, choosing a sufficiently large value for C, can
split the poles. To quantify this, it is reasonable to require that |s,2| > wy, the unity-
gain frequency. For this choice, since in the frequency region between |s,,| and |s,|

) Ap
A = - 4.60
A J) jol sl (4.60)

holds, the approximation wg = Ag |s,| can be used. Thus |[s,;| > Ag|sp| may be
specified. From Eq. (4.55), with 1/C4 = (1/C. + 1/C;), we require

Ems + Emo Eml
o (4.61)

so that a feedback capacitor satisfying

C.> 37% 4.62)

is needed. Since experience indicates that normally C. ~ C; is a good choice, we
require that g,,; < g.8 + &mo. Another way of eliminating s, for the circuit of Fig.
4.27 is by pole—zero cancellation. Choosing s, = s,,, from Egs. (4.55) and (4.58),

1+ (G4 + CIC,

4.63
Ems + Emo ( )

R.

is obtained. The resulting cancellation leaves the op-amp with a two-pole response.
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Figure 4.27. Small-signal equivalent circuit of CMOS op-amp with nulling resistor for com-
pensation.

Compensation now requires that |s,3| > Ag|s,1|. Using Egs. (4.55), (4.59), and (4.61),
this condition can be rewritten in the form

1/C. + 1KCy + Cy)
Ce> Cye ¥ IC, + 1/C,

(4.64)

Here C? is the bound given for C. on the right-hand side of Eq. (4.62). The factor
multiplying C? in Eq. (4.64) is usually much smaller than 1; hence, now a smaller
C. can be used. Its value can be obtained from the bound*

2 1/Cy + 1/Cy 4 /Cy + 1/C, 8ms t &mo
(4.65)

The actual implementation of the scheme of Fig. 4.27 in the CMOS op-amp of Fig.
4.15 is shown in Fig. 4.28. The parallel-connected channels of the complementary
transistors Q1o and @,, form R... This push-pull arrangement helps to suppress even
harmonics and thus improves the linearity of the resistor R..

Note that the condition R, = 1/(g.g + &ms) is easily obtained by matching Q¢
and Q,, to Qo and @, respectively. Satisfying Eq. (4.63) is somewhat harder,
however, the accuracy is not critical, and as explained above, this choice for R,
results in a smaller value for C..

The pole-splitting frequency compensation technique described so far is applica-
ble to a two-stage topology where the output stage is a common-source gain stage
preceded by a differential stage preamplifier. If the op-amp is loaded with a very
small resistance, the gain of the output stage can become so small that the two-stage
solution may not have enough dc gain. In this case, using the cascode load differential
amplifier shown in Fig. 4.7 can increase the gain of the two-stage amplifier. Alterna-
tively, the folded-cascode topology of Fig. 4.10 can also be used as the input stage

2 112
. > L Eml@ms + guo) = 1 [1 (gm.f(gms + Bmo) = 1) N gmlcacf,] ‘

* In practice, it is usual to choose C, = C;. This choice satisfies the constraints of Egs. (4.64) and (4.65)
with a large margin.
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Figure 4.28. Improved internally compensated CMOS operational amplifier.

in which case the op-amp can be frequency stabilized with a pole-splitting capacitor
that is connected between the two high-impedance nodes. Another method to en-
hance the op-amp gain is to use a multistage configuration. The simplest approach
would be to insert a positive gain intermediate stage between the input and output
stages. This is shown in simplified form in Fig. 4.29. The three-stage amplifier has
three dominant poles, one at the output of each gain stage. The simple pole splitting
does not remove the third pole, and to stabilize such a topology a nested Miller [8]
compensation must be used. This compensation technique uses the two capacitors
C.; and C,., shown in Fig. 4.29. C,, is connected between the final output and the
output of the intermediate stage. C,, is connected between the final output and the
output of the differential stage. Figure 4.30 shows the three-stage op-amp of Fig.
4.29 in more detail. It consists of a p-channel input differential pair Q,—Q4, followed
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Figure 4.29, Nested Miller compensation scheme for a three-stage op-amp.
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Figure 4.30. Simplified circuit diagram of a three-stage op-amp with nested Miller compensa-
tion.

by the differential pair Qs—Qs, that serves as the positive gain intermediate stage.
The output stage is a common-source amplifier made of transistors Qg and Q. The
op-amp is stabilized by capacitors C,; and C_;. The small-signal equivalent circuit
of the three-stage amplifier using the nested Miller compensation scheme is shown
in Fig. 4.31 [8].

The open-loop gain of the uncompensated op-amp has three dominant poles s,;,
Sp2, and s,3. The location of the three poles are given by

Sp1 = Corar”’ (4.66)
Spp = L (4.67)
Coroz
1
Sp3 = C LReq ’ (4.68)

where R.; = r,3/IR, is the equivalent output impedance of the third stage.

Ce2
T

1l = 1]
Cet Floq =Ll 03

A

Figure 4.31. Small-signal equivalent circuit of the three-stage op-amp.
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The transfer function of the uncompensated op-amp is

VO('S ) _ - AG

Vis)  (/sp1 + D(slspe + Dishsys + 1) (4.69)
where A, is the dc open-loop gain given by
A'I} = Bm1lol gmzr.ﬂgmBRaT (‘470}

The magnitude plot of the combined intermediate- and output-stage gain is shown
in Fig. 4.32a, where f, = 1/(2m r,,C,) and f3 = 1/(2w R, Cy) are the pole frequen-
cies. The combination of the intermediate and output stages is compensated by the
first Miller capacitor C,,. The insertion of this capacitor splits the poles such that
f3 is shifted to a higher frequency, f3, and f, to a lower frequency, f>. The new
location of the poles is given by

1

sz = - rolngRech] ’ (4.?1)
f oo Em3
%p3 Ci(l + CJCy) + & (4.72)

It is worth noting that the insertion of C,; splits s,; and 5,3 to the same location, as
was the case with the poles of the two-stage op-amp described earlier in this chapter.
Also, the location of the pole s, , corresponding to the input stage, remains unaltered.

The frequency characteristic of the complete three-stage op-amp is shown in Fig.
4.32b where the third pole s, corresponding to the input stage has been added. The
result of inserting the first compensation capacitor C,, is a frequency response that
contains the two dominant poles s, and s;,,. These two poles can be split by inserting
the second compensation capacitor C,,, which shifts f, to a higher frequency, fi,
and f5 to a lower frequency, f5 (dominant pole). The result is an op-amp with an
open-loop response with one dominant pole at sj,and a magnitude response that has
a straight 6-dB/octave roll-off from the dominant pole frequency f7 up to the unity-
gain frequency.

Inserting the two nested Miller compensation capacitors C; and C,, as in the
case of the two-stage op-amp, introduces right-half-plane zeros. Similar strategies
described earlier in this section, such as the zero blocking technique or placing a
resistor in series with the Miller capacitor to cancel the zero, can be used to eliminate
the effect of the unwanted zeros.

Next, the stability conditions of the single-stage folded cascode op-amp shown
in Fig. 4.10 will be considered. The approximate low-frequency equivalent circuit
of this op-amp is shown in Fig. 4.11, and the overall frequency response is described
by a first-order transfer function given by Eq. (4.18). Here 5,, = — l/R,C_ is the
dominant pole, due to the load capacitance C; in parallel to the output impedance
R,. Figure 4.33 illustrates the gain and phase response of the op-amp for two different
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Figure 4.32. (a) Frequency response of the intermediate and output stages before and after
inserting C,,; (b) frequency response of the complete three-stage op-amp before and after
inserting the nested Miller compensation capacitors C,, and C,,.
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Figure 4.33. Loss and phase responses of the op-amp of Fig. 4.10 for two different values
of the load capacitance C,.

values of C;. The contribution of the nondominant poles on the phase and amplitude
responses is shown at higher frequencies. As the figure illustrates, the larger C;,
the greater the phase margin of the op-amp. This is the opposite of the conditions
of the two- or three-stage op-amp, where C; contributes to a nondominant high-
frequency pole. There, increasing C; reduces the distance between the dominant
and nondominant poles, and thus decreases the phase margin. Thus the folded-
cascode op-amp of Fig. 4.10 is particularly suitable for achieving wide and stable
closed-loop bandwidths with large capacitive load, such as required in high-fre-
quency switched-capacitor circuits.

In addition, the compensation in this circuit is achieved without coupling high-
frequency noise from the power supplies to the output as in multistage op-amps.
Hence the high-frequency PSRR can be high.

4.5. DYNAMIC RANGE OF CMOS OP-AMPS

Among the most important characteristics of an op-amp are the input-stage common-
mode range (CMR) and the output-stage voltage swing. The input common-mode
range specifies the range of the common-mode input voltage values such that the
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Figure 4.34. (a) Op-amp circuit without common-mode signal; (b) unity-gain op-amp con-
figuration with common-mode signal.

differential stage continues to amplify the differential input voltage with approxi-
mately the same differential gain. The output voltage swing is the range over which
the output voltage can vary without excessive distortion. Two possible configurations
of an op-amp are shown in Fig. 4.34a and b. In Fig. 4.34a the op-amp is used with two
external resistors as an inverting buffer. Since one input of the op-amp is connected to
ground, the common-mode ac input is zero. In Fig. 4.34b, the op-amp is connected
as a unity-gain buffer. All of the ac input signal is now applied as a common-mode
input to the op-amp. While the output voltage swing is important for both cases,
the input common-mode range is important only for the unity-gain buffer of Fig.
4.34b and is not important for the inverting buffer of Fig. 4.34a.

Figure 4.35 illustrates a p-channel-input CMOS differential stage. This stage will
be used as an example to discuss the input common-mode range. The drain-to-source
dc voltage of transistor ¢, (and Q;) is given by

Vbsi = Vss + Vass ~ (Vinsem — Vasi)- (4.73)

The minimum allowable common-mode input voltage occurs when @, and Q, are

Voo

Figure 4.35. A p-channel input CMOS differential
stage used to calculate common-mode range.
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at the edge of their saturation regions. It can be obtained by setting Vps; = Vpgan
in Eq. (4.73):

Vinem = Vas1 + Vss + Vgss — Vpga. (4.74)
Since Vgs; = Vi, + Vpsan and Vggs = Vpgas + Vi,
Viigm = Vss + Vs + Vi — |Vl 4.75)

Since Vr, = 0 and Vy, — |Vg,| = 0, the minimum common-mode input voltage is
approximately equal to Vs plus the drain-to-source saturation voltage of transistor
Qs.

A similar analysis can be performed to determine the highest common-mode
input voltage. As the input voltage is increased, the drain-to-source voltage of Qs
is reduced. The maximum common-mode voltage is achieved when Qs is about to
leave the saturation region, or Vpss = Vpgas. The drain-to-source of Qs is given
by

Voss = Vinem — Vesi — Voo (4.76)

Vincm is obtained by setting Vpgs = Vpgas:

Vosas = (Viddmax — Vpsan — Vi — Voo,
ax 4.77)
Vinem = Vop + Vs + Vpgan + V.
Since Vpsas. Vpsan, and Vy, are all negative, we have
Vinem = Vop — |Vbsas| = |Vbsau| — |Vapl- (4.78)
Combining Egs. (4.75) and (4.78), the input common-mode range is found:
Vss + Vpas + Vi — |Vip| = Vinem = Vop — |Vpsas| = |Vpsaa| — |Vl
(4.79)

Note that typical values are V7, = —0.8 V and |Vpsau| = |Vpsas| = 0.3 V. So
from Eq. (4.79) it is clear that while the p-channel input differential stage of Fig.
4.35 has a reasonably good negative common-mode swing, the positive common-
mode swing is poor and is limited to at least 1.4 to 1.6 V below the positive power
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Figure 4.36. An n-channel input CMOS differen-
Vss tial stage.

supply voltage. A similar analysis can be carried out for the differential stage with
n-channel inputs, shown in Fig. 4.36. The common-mode range can be derived as

Vss + Vosar + Vbsaz + Vi + = Vioem = Vob = |Voans| + Vo — |Vl
(4.80)

For this case the positive input common-mode limit is approximately one |Vpga|
below the positive supply voltage for Vy, — |Vr,| = 0. The negative limit of the
input common-mode voltage is 1.4 to 1.6 V above the negative supply voltage. The
input common-mode ranges of the two differential stages of Figs. 4.35 and 4.36 are
complementary. While the p-channel input differential stage has good negative and
poor positive input common-mode swing, the n-channel input has the complementary
range. Op-amps with wide positive and negative input common-mode ranges can
therefore be obtained using a combination of p- and n-channel differential stages.
They are discussed in Section 4.10.

The output voltage swing of the two-stage op-amp is discussed next. Such an
op-amp with a p-channel differential input is shown in Fig. 4.37. The output voltage
swing is limited by the requirement that transistors Q¢ and Q; must remain in the
saturation region. It can be easily shown that this results in the condition

Vss + Vosas = Vou = Vop — |Vpsanr]- (4.81)

If the output swings beyond the range specified by Eq. (4.81), transistors Q¢ and
Q, will leave the saturation region, reducing the gain of the output stage. Further
increase of the output voltage will be limited by the power supply voltages.

A single-stage folded-cascode op-amp with p-channel input devices and an im-
proved biasing scheme was discussed earlier and was shown in Fig. 4.10. First,
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Figure 4.37. Two-stage CMOS op-amp.

consider the lower limit of the input common-mode range. With the improved biasing
scheme, transistors Qs and QO are biased slightly above the saturation region, so

Vboss = Vpse = Vpgar. (4.82)
As before, the drain-to-source voltage of Q, is given by
Vosi = Vss + Vogs — (Vinem — Vasi)- (4.83)
Setting Vpss = Vpeus and Vg1 = Vpeus + Vz, in Eq. (4.83), we have
Vbsi = Vss + Vbsas — (Vinem = Vpsau — Vo). (4.84)
For Q, at the edge of saturation, the minimum value of Vg, is Ve :
Vosan = Vs + Vpsas — Vinem + Vpsan + V. (4.85)
Rearranging yields
Viiem = Vss + Vosas + V. (4.86)
Since Vzp < 0 and Vpg,s > 0, we can rewrite Eq. (4.86) as
Vinem = Vss + Vosas — |Vip)- (4.87)

Normally, Vpsas < |Vr,|. Hence ViR™ < Vg, and the input common-mode signal
can go below V.
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To find the maximum input common-mode voltage, we note that the performance
of the circuit is similar to that of the differential stage shown in Fig. 4.35. This leads
to

Viigm = Vop + Vosar + Vpsan + Voo (4.88)

Since Vpgu, Vpsarr and Vp, are all negative numbers, Eq. (4.88) gives
Ve = Vop — |Vbsaz| = |Vosau| — |Vip|- (4.89)
Combining Egs. (4.87) and (4.89) the input common-mode range can be written as

Vss + Vosas — |Vip| = Vinem = Voo — |Vpsaat| = |Vpsau| = [Vapl-
(4.90)

As Eq. (4.90) shows, the input stage of the single-stage folded-cascode op-amp
of Fig. 4.10 has an excellent lower limit for its common-mode range, lower than
the negative supply voltage. The upper limit of the common-mode range is, however,
by as much as 1.4 to 1.6 V below the positive supply voltage. A complementary
cascode op-amp with n-channel input devices will be characterized by excelient
positive input common-mode range (which includes the positive supply voltage)
and a minimum input common-mode limit that is 1.4 to 1.6 V above the most
negative supply voltage.

The op-amp of Fig. 4.10 uses an improved biasing scheme such that both Q¢ and
Q. are biased at the edge of saturation:

I““I'J.'}.’Ea'ﬁ - vDsaIﬁn (491)

Voss = Vpsau-

The maximum output voltage swing was derived earlier and is given by Eq.
(4.16). From that equation, the output voltage swing is limited to a range that is at
least 2V above Vs and 2V below Vpp. Of course, v,y can swing beyond the
range described in (4.16); however, as the output crosses the specified upper (lower)
limit, first transistors Q. (Qs) leave the saturation region, and (as illustrated in
Fig. 3.14) the output impedance drops, resulting in a reduction in the overall gain.
Further, increase (decrease) of vy causes Q4 (Qg) to leave the saturation region
and results in drastic reduction in the output impedance and hence in the gain. In
this region the op-amp has very little differential gain and the output signal will be
severely distorted.

In summary, the single-stage folded-cascode op-amp of Fig. 4.10 has an excellent
negative-input common-mode range but a poor positive common-mode range. It has
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Figure 4.38. Internally compensated CMOS operational amplifier.

a reasonably wide output voltage swing; the output voltage can reach to within 0.5
to 1 V of the supply voltages without serious distortion or drop in gain.

4.6. FREQUENCY RESPONSE, TRANSIENT RESPONSE, AND SLEW
RATE OF COMPENSATED CMOS OP-AMPS [9,10]

Next, an approximating frequency- and time-domain analysis of the compensated
CMOS op-amp of Fig. 4.38 will be given. For small input signals u, the transistors
will operate in their saturation regions, and their small-signal models can be used.
Then, for moderate frequencies (i.e., for |s,| <€ @ <€ |s,,|) the input stage Q, to Qs
can be replaced by a frequency-independent voltage-controlled current source, while
subsequent stages, Qg to Q1,, can be replaced by a frequency-independent amplifier
with the feedback capacitor C, connected between its input and output terminals
(Fig. 4.39). The model is valid as long as the signal frequencies are much larger
than |s,,| but are negligibly small compared to the magnitude of the high-frequency
pole s,2. From Fig. 4.39, Vo, (5) = gmiVin(5)/5C,, so that the high-frequency gain
is given by A (jo) = Vo (Jo)/Viu(jw) = g/ joC,.. The unity-gain frequency is
thus wg = g,/ C,. For |sp;| > wy, the phase of A, at wo will thus be close to 90°.
This can be obtained by choosing C, sufficiently large.

®

Figure 4.39. Small-signal model of the g _ — Yout
CMOS op-amp used to calculate its fre- miin

quency response. T =
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Figure 4.40. Slewing response of the CMOS op-amp connected in the inverting mode: (a)
circuit; (b) input signal; (c) small-signal output waveform; (d) large-signal output waveform.

Consider next the voltage inverter shown in Fig. 4.40a. Assume again that the
amplifier is compensated, so that its voltage gain can be approximated by

ASs) = T__Tpl . (4.92)

Hence for an input step v,(#) = Vyu(r), the output voltage is in the form

Uoul?) = — Vyu(r) [I — e (Aof2+ l}ls”'“] (4.93)

Ao
Ap + 2

(Problem 4.11). Thus, for a square input voltage (Fig. 4.40b) the exponentially
varying waveform of Fig. 4.40c¢ should occur at the output.* If the amplitude V, is
small (say, much less than 1 V), this is in fact what happens. If, however, the input
voltage is large (e.g., V| = 5 V), the experimentally observable output voltage is
of the form shown in Fig. 4.40d. The nearly linear (rather than exponential) rise and
fall of wou(?) is called slewing, and the nearly constant slope du,/dt of the curve
is called the slew rate. Slewing is a nonlinear (large-signal) phenomenon, and hence
it must be analyzed in terms of the large-signal model of the op-amp shown in Fig.

* The time constant is to = 2/(Ag |5,]) = 2/wy.
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Figure 4.41. Large-signal model for calculating the slew rate of a CMOS op-amp in the
inverting mode.

4.41. Prior to the arrival of the input step, v, = 0, and the currents in Q; and Q>
are both equal to [,/2. After the large step occurs at the input, Q; conducts more
current and cuts off Q,. Hence the current conducted by @, and Q5 is now I, (Fig.
4.41). Since Q3 and Q4 form a current mirror, the current in Q4 (which charges C,)
is also /,. Assuming that the output stage A, can sink the current /,,, the slew rate
18

I

dVDI.“ = o
C.’

dt

|__!_dQc

C. dt

S, = (4.94)

where Q. is the charge in C.. Here C, = g,,/wy, where [from Eq. (2.18)] the
transconductance of the input stage is

B
~| =

gmi = 2\/3 (4.95)

and wy is the unity-gain frequency of the op-amp. Combining these relations, we

obtain
Io(.l}ﬂ _ a'o
S, = o wg V_—"_ZR’(W?L) . (4.96)

Thus the slew rate can be increased by increasing the unity-gain bandwidth and the
bias current of the input stage, and by decreasing the W/L ratio of the input transistors.

It should be noted that the transconductance of MOSFETs is much lower than
that of bipolar devices. This is ordinarily a major disadvantage; however, it results
in significantly higher slew rates for MOS op-amps than for bipolar ones for a given
unity-gain bandwidth since C, can be smaller.
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Figure 4.42. Slewing in a voltage follower: (a) op-amp used as a voltage follower; (b) large
input signal; (c) output response.

The negative slewing of v, continues until it reaches — V;. At that time the gate
voltage of @, [which, due to the two resistors R, equals (v, + Uou)/2] reaches zero
voltage. Hence at that time the quiescent bias conditions are restored, and @, to Q4
all carry a current /,/2. Therefore, the charging of C. and the decrease of the output
voltage cease.

The complementary process takes place when v;, drops back to zero at 1 = t,.
Now Q, cuts off, since u,,, = — V) still holds and hence its gate voltage drops to
—V,/2. Thus Qs and Q, cut off, and C, is discharged through @, with a current [,
provided that A, can source at least the same current. The slew rate of vgy is hence
again 1,/C,. The process stops when v, (and hence the gate voltage of Q,) reaches
zero voltage.

In Fig. 4.41, the op-amp operates in the inverting mode. Figure 4.42q illustrates
the use of the op-amp as a unity-gain voltage follower. Figure 4.42b shows an input
pulse waveform; Fig. 4.42¢ shows the corresponding output response under large-
signal conditions. As the diagram shows, the rising edge contains a positive step
followed by a fast slewing rise, while the falling edge is a relatively slow linear
slope.

The behavior of the rising edge can be understood by considering the equivalent
circuit shown in Fig. 4.43. In the circuit, the stray capacitance C,, across the
input-stage current source [, is included. Note that C,, is quite large in CMOS
op-amps where the common sources of the input devices @, and Q, are connected
to the p-well, since this creates a large capacitance between the source and the
substrate.

A large input signal u,(¢) = Vyu(r) turns Q; fully on. Therefore its source voltage
v, rises and hence Q, and Q5 are turned off. Thus @, carries the full current /, +
i,,, where i, (1) is the current through C,,. Since normally the combined impedance



136 CMOS OPERATIONAL AMPLIFIERS

Voo
I off
Q Q
o: ——[ Q4 Co
e T
off on Ag p—e l..
B ] - .L_D_ 'th"/_
"w T —_y
Ce |

“l _%"m °""I'['; qb'u
T Ves

Figure 4.43. Equivalent circuit of the voltage follower used to calculate the large-signal
behavior for positive inputs.

of C,, and the current source [, is much larger than the driving impedance (1/g,,,)
of O, the incremental source voltage is u,(f) = v,(f). Hence

o du)) . dug)
i) = C, di =C,, dr (4.97)

- which is the impulse function V| C,, 8(¢). The output voltage satisfies

vl = = [y + i) dr
0

c

(4.98)

IO CW ! dt’[n - Io CW
= C + CcL i dt = C,:I + C. Viu(r).

The first term represents the linear rise, with a slew rate I,/C., while the second
represents the small pedestal seen at the beginning of the rising edge.

For a negative step, the equivalent circuit of Fig. 4.44 applies. Now the input
signal turns @, off, and Q,, (5, and Q, all carry the current I, — i,,. Considering
next the two capacitors C. and C,,, we note that C. is connected between vy (1)
and (virtual) ground, while C,, is connected between v, and (true) ground. Now
u,(1) follows the gate voltage v,,(t) of Q, and hence v, = Uy, so that

Qow _ Lo — b dw
pral o . (4.99)
Therefore, i, = I,C,/(C, + C,) and
Qo . _ Lo (4.100)

dt C. + C,
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Figure 4.44. Equivalent circuit of the voltage follower used to calculate the large-signal
behavior for negative inputs.

Thus the negative slew rate is reduced by the presence of C,,, from I,/C. to I,/(C,
+ C,), that is, by a factor 1 + C,/C..

4.7. NOISE PERFORMANCE OF CMOS OP-AMPS

Noise represents a fundamental limitation of the performance of MOS op-amps: the
equivalent noise voltage may be several times greater than a comparable bipolar
amplifier, The noise performance of an MOS op-amp is due to both thermal and
1/f noise sources. The dominating noise source depends on the frequency range of
interest. At low frequencies the 1/f noise dominates, whereas at high frequencies
the thermal noise is more important and the 1/f noise can be ignored. Hence it is
important to analyze the causes of noise and the possible measures that can reduce
it. As an example, the noise of a two-stage CMOS op-amp will be analyzed and the
noise contribution of each transistor to the total input referred noise will be presented.
A similar analysis can be carried out for folded cascode or other types of op-amps.

Figure 4.45 shows an uncompensated CMOS op-amp, with the noise generated
by each device Q, represented symbolically by an equivalent voltage source u,;
connected to its gate.* (The calculation of the gate-referred noise voltages v,; was
described briefly in Section 2.7.) We can next combine the noise sources v,; t0 y,s
in the differential input stage into a single equivalent source v, connected to the
input of an otherwise noiseless input stage, as shown in Fig. 4.46. (Note that the
noise of Qs is a common-mode signal and is hence suppressed by the CMRR of the

* Such a source indicates that a noise current g,,;v,; flows in Q.
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Figure 4.45. Noise sources in a CMOS operational amplifier.

op-amp; it is therefore omitted in Fig. 4.45.) The voltage gain from the noise sources
v1 and wu,; to the output node A of the input stage can be calculated using its low-
frequency equivalent circuit. This gives

Uy Uy Emi
Ayj= — = — = —=—— 4.101
T U2 B2 t Baa ( )

This is the same as the differential signal gain of the stage. Similarly, the gain
between sources v,3 and u,4 and node A can be calculated. Physically, the noise
source v, introduces a noise current g,,3v,3 into O3, which is mirrored in Q4. Hence
v, causes currents of Q; and Q4 to change by g,,3v,3, and thus vy by gm3th3/(8a2
+ ga4). The effect of v,4 is similar. The gain is therefore

3m3
A, = — = — = —"— 4.102
U3 Upa B2t Baa ( )

ditferential source follower second
input stage gain stage

Figure 4.46. Block diagram of a three-stage CMOS operational amplifier with noise sources.



4.7. NOISE PERFORMANGE OF CMOS OP-AMPS 139

Since these sources are all uncorrelated, they result in a mean-square voltage

Sl

= AR, + 1) + Az(;ﬂ ?,,:) (4.103)

at node A, Hence the equivalent input noise voltage v,; = u4/A, has the mean-
square value

Z-Te T (=) (F T @108

Hence, to minimize v24, clearly v, and v,, should be small and gns < gm. The
former, by the discussions of Section 2.7, requires that the area (W/L) and transcon-
ductance (g,,) of Q; and Q, be large. To obtain large g,,, the bias current and W/L
ratio should be large—this, however, requires large devices and high power dissipa-
tion.

The noise contribution of the load devices can be reduced, as (4.104) shows, by
making their transconductances as small as their biasing conditions permit. This can
be achieved by increasing their lengths L. Thus, assuming that the areas of the input
and load devices are given, the W/L ratios of the input devices Q, and ¢, should
be as large, and those of the load devices Qs and Q4 as small as other considerations
permit, Also, it has been found experimentally [11] that the rms equivalent 1/f noise
voltage v, is about three times larger for an n-channel device than for a p-channel
device. Since in Eq. (4.104) (gma/gm1)* < 1, it is hence advantageous to use p-
channel input devices with n-channel loads, rather than the other way around, as
shown in Fig. 4.45. Applying all these principles, the equivalent input noise voltage
U,q can be reduced appreciably [11].

Similarly, the noise sources of the source follower (Qs, Q,) can be replaced by
an equivalent source v, (Fig. 4.46). From the low-frequency small-signal equivalent
circuit,

2
B = e + (@) Z. (4.105)

Emb
Referring = .ck to the input of the op-amp, the total equivalent input noise volt-

age becomes

2
7=+ Z B A 1.1 P,,;'+??;+E;+(S””’g‘"*”?”
Ad Bm1 Ad’

(4.106)

For low frequencies where A% > 1, the effect of v, is negligible; however, at higher
frequencies this will no longer be true. Since Q¢ and Q- are used as a level shifter,
the gate—source voltage drop of Qs must be large. By Eq. (2.9) this will be achieved
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for a given ipg if k¢ = k" (W/L)g is small. Hence Qg is a long thin device, and ( g,/
gme)* = 1. At frequencies where |Adw)| = gm7/8ms. the effect of v, is comparable
to that of v, and v,;. Hence care must be taken in the design of {; to make it a
low-noise device.

The effect of the noise sources v,g and u,9 can be analyzed similarly and can be
represented by an equivalent source u,,. However, they usually do not affect the
total equivalent input noise voltage significantly.

Normally, all v,; contain a 1/f noise component that dominates it at low frequen-
cies. Hence the equivalent input noise voltage is greatest at low frequencies (below
I kHz), where |A{w)| > 1. Thus the input devices Q, and Q, tend to be the dominant
noise sources, and their optimization is the key to low-noise design.

Using chopper-stabilized differential configuration, the low-frequency 1/f noise
of the op-amp can be canceled, and a large (over 100 dB) dynamic range obtained
for an integrated MOS low-pass filter. For wide-band operational amplifiers and a
low clock frequency, aliasing can increase the effect of the high-frequency noise to
the point where it overwhelms the 1/f noise. Hence the unity-gain frequency wyg
should be kept as low as is permitted by the application at hand.

4.8. FULLY DIFFERENTIAL OP-AMPS

In cases when power supply and substrate noise rejection is an important considera-
tion, the use of fully differential (balanced) signal paths may be advantageous. In
such circuits the input voltages are symmetrical with respect to the common-mode
input voltage V.., and the output voltages are symmetrical with respect to the
common-mode output voltage V.. This allows the designer to choose the values
of input and output common-mode voltages ( V., and V,,,,) independently, for opti-
mum performance. Although for maximum swing, V., should be equal to half the
total supply voltage, the same may not be the case for V,,,;. This makes the design
of fully differential circuits more complicated and the required chip area 50 to 100%
larger than the single-ended realization of the same network. However, there are
many compensating advantages in terms of noise immunity. In fully differential op-
amps, power supply and substrate noise appear as common-mode signals and are
hence rejected by the circuit. In addition, as will be shown, the effective output
voltage swing is doubled by the balanced op-amp configuration, while the input
circuit (and hence most of the noise) remains the same as for the single-ended op-
amps.

Additional advantages also exist. Figure 4.47 shows the circuit of a fully differen-
tial switched-capacitor (SC) integrator. In this circuit the switches illustrated sche-
matically in the figure introduce a clock-feedthrough noise into the circuit. This can
be minimized by the differential configuration, since (just as the power supply noise)
it will appear as a common-mode signal. The symmetry of the circuit should be
fully preserved in the physical layout to obtain good rejection of common-mode
signals even in the presence of stray elements and nonidealities. The differential
configuration also eliminates systematic offset voltages.
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Figure 4.47. Fully differential switched-capacitor integrator.

The noise rejection properties of the fully differential circuits in actual implemen-
tation are not as effective as the theory predicts. This is partly because the noise
coupled from the power supplies or substrate is not fully symmetrical. Also the clock-
feedthrough noise from switches has a voltage-dependent component that couples to
one signal path more than the other. However, by using careful and symmetrical
layout methodologies it is almost guaranteed that the noise rejection properties of
fully differential circuits are far superior than those of single-ended designs.

The circuit diagram of a fully differential single-stage folded-cascode op-amp is
shown in Fig. 4.48. This circuit is obtained by modifying the op-amp of Fig. 4.10
and replacing the p-channel current mirrors with two cascode current sources (s,
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Figure 4.48. Circuit diagram of a fully differential single-stage folded-cascode op-amp.
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Figure 4.49. Circuit diagram of a two-stage fully differential op-amp.

Qs. and Q4. Q4. Figure 4.49 shows an alternative two-stage fully differential op-
amp [12]. The differential input stage consists of transistors Oy, O18, O2a, O28-
Qoa, Qop, and Q5. The common-gate devices Qos and Qog have been added to
increase the gain of the operational amplifier and to reduce the differential input
capacitance. The two differential output stages are formed with the two common-
source amplifiers, consisting of transistors Qsa, Q4a, Osp, and Osp. A common-
mode feedback (CMFB) circuit has been added to both op-amps. The CMFB circuit
takes its inputs from the differential output of the op-amp and provides a common-
mode feedback signal. This is necessary, since in a fully differential op-amp the
common-mode output voltage must be internally forced to ground or to some other
reference potential. By contrast, in a single-ended op-amp one of the input terminals
is usually grounded and the other becomes virtual ground due to an externally applied
negative feedback. This stabilizes the common-mode voltages at both input and
output terminals.

One of the main drawbacks associated with the fully differential op-amp is the
need for the CMFB circuit. Besides requiring extra area and power, the CMFB
circuit limits the output swing, increases noise, and slows down the op-amp. The
design of a good CMFB circuit is one of the most complicated parts of the fully
differential op-amp design. There are two major design approaches for the CMFB
circuits, the switched-capacitor approach [13] and the continuous-time approach
[12,14]. The switched-capacitor approach is normally used in switched-capacitor
circuits, while the continuous-time approach is used in non-sampled-data applica-
tions.
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Figure 4.50. Fully differential folded-cascode op-amp with continuous-time CMFB circuit.

Figure 4.50 shows the single-stage fully differential folded-cascode op-amp of
Fig. 4.48 with a continuous-time CMFB circuit added [15,16]. The common-mode
feedback operates the following way. Since the gate voltages of Qs and Qg are fixed
at V,,; and their currents are I + I,/2, their source voltages are also stabilized. This
fixes the drain-to-source voltages vpsy and vpgg of Q7 and Qg. The value of Vy, is
chosen such that |upss| < Vpsar, S0 that both Q5 and Qg operate in their linear (ohmic)
regions. Their aspect ratios (W/L); = (W/L)g are chosen such that in equilibrium
the common-mode output voltage voy. = (v, + v, )/2 has some desired value
(usually, ground potential). If the common-mode voltage vou . would now drop for
any reason, the resistance of Q7 and Qs increases. This reduces |vgss| and |vggs|. and
since the current in Qs and Q¢ remains unchanged, it forces |vpss| and |vpse| to
increase. Thus the drain voltages of Qs and Q¢ rise. This, by the argument just
presented, reduces |ugs)c| and |vgs:c| and thus increases their drain voltages, which
are v, and v . The common-mode voltage v, . is thus increased. The gain of the
negative feedback loop is readily seen to be g,77478ms¥a58micTaic» Which can be very
high. This feedback loop also stabilizes v,y . against transistor parameter variations
arising from fabrication imperfections.

Since Q; and Qg operate in their linear (ohmic) regions, their drain currents are
linear functions of their gate voltages. Thus it can readily be shown (Problem 4.16)
that a differential voltage + v at the output terminals does not affect the overall
drain-source resistance of the parallel combination of Q; and Qg. Thus the common-
mode output voltage does not change if a differential input signal is applied; this
is, of course, a desirable feature.
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Using small-signal analysis, it can be shown (Problem 4.17) that the differential
gain of the stage is

Ap = 2guR,, (4.107)
where R, is the output impedance at either output node:

1
T @ T+ 8as)EmiTarc t 8arl8micTac (4.108)

1
T (8a + 846V 8mrcTme + 8ad8macTasc

R, = RS

=R0_

Since the circuit is a folded cascode, it does not require a level shifter. Also,
since the desired output is a differential signal, no differential-to-single-ended con-
version is required. Thus the nondominant poles introduced by these stages do not
appear. The only high-impedance nodes are the output terminals, and the correspond-
ing dominant poles are those due to the time constants R} C; and R, C; , where
C{ and C[ are the load capacitances at the output terminals. To achieve compensa-
tion, the dominant poles can hence be shifted to lower frequencies by increasing
C; and C; . Since no internal compensation is required, the op-amp can have a
fast settling time and is hence well suited for the implementation of high-frequency
switched-capacitor filters.

Since the output impedances of the circuit can be made very high, the dc differen-
tial gain Ap, can be large, comparable to that of a basic two-stage op-amp. A possible
bias chain circuit for the op-amp of Fig. 4.50 is shown in Fig. 4.51. Choosing I =
1,/2, the aspect ratios can be found as

(WL)o _ (W)
2 2

(W/L); = (W/L)y = (W/L)4,
(W/L)s = (W/L)g = (W/L),s,

(W/L); = (W/L)y =

(4.109)
(Wiye = Wiy, = 2208
(Wi)e = Wyge = 527

(W/L),9 should be chosen (in conjunction with the other aspect ratios in the bias
chain) to set [, to its desired value. For this bias circuit with the aspect ratios given
above, the dc currents of @5, Os, and Q)4 are equal. Also, their dc drain voltages
are approximately the same. Hence their gate-to-source dc bias voltages satisfy

Ves1 = Vs = Vgsia = Ve — Vss. (4.110)

This shows that Vg7 = Vgg = V14 = V... Thus the output common-mode voltage
is equal to V,,,, when this bias circuit is designed using Eq. (4.109).
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Figure 4.51. Bias chain for the fully differential op-amp of Fig. 4.50.

An alternative form of continuous-time common-mode feedback circuit is shown
in Fig. 4.52 [17, pp. 287-291]. This circuit can be used to provide common-mode
feedback for the folded-cascode differential op-amp of Fig. 4.48. The feedback
voltage Vgp will bias transistors 5 and Q,. In the absence of a differential voltage
(v = v, ) transistors Qg, Qg, Q12, and Q,3 will carry currents equal to [/2 and
Q)5 will have a current equal to /. The current of Qs will be mirrored into Q5 and
04, which will set the output current of the differential op-amp. The common-mode
feedback therefore forces Qg and Q5 to have the same gate—source voltages as Qo
and Q,,, forcing the common-mode output of the op-amp to V,,. In the presence
of a differential voltage, as long as (v, has a value that is exactly the negative of

Voo
b4

°191—| ¥ b—’—‘—\'m e

Ve
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Vi »
L[|°7 Q11
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Figure 4.52. Alternative form of continuous-time CMFB circuit.
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vy (with respect to V,,,), the current in Qg will increase (decrease) while the current
in Q,; will decrease (increase), keeping the current in @, s unchanged. The common-
mode voltage will be kept close to V,,, as long as the differential voltage is not so
large that the transistors in the common-mode feedback circuit (Qg, Qy3) turn off.
The sizes of the transistors in the differential pair can be selected in such a way that
their gate—source voltages are maximized, hence extending the operating range. The
input range, however, is a major limitation of this circuit.

Other than the limited input differential range, the common-mode feedback cir-
cuits described so far have two additional drawbacks. First the circuit that detects
the output common-mode signal has a nonlinear characteristic. Second, the open-
loop gain of the common-mode feedback may not be sufficiently large, due to its
inherent limitations. The first problem can be avoided by using linear common-
mode detectors such as a pair of identical resistors or the corresponding switched-
capacitor equivalent for sampled data circuits. To reduce the effect of the second
problem, the output common-mode feedback circuit should have a dc gain and
bandwidth as large as the respective differential-mode circuitry. This can be accom-
plished by having the differential and output common-mode paths share as much
circuitry as possible, thus treating both signals as equally as possible [12]. These
concepts can be applied to the common-mode feedback circuit of the two-stage fully
differential op-amp of Fig. 4.49. The complete circuit diagram of the op-amp is
shown in Fig. 4.53. The common-mode feedback signal V, is formed with two equal-
valued resistors that are connected between the two differential outputs and is given
by V. = (v} + v, )/2. The common-mode feedback circuit consisting of transistors
Qea, Oen. Osc, Oz, and O is merged with the differential-mode circuitry at the

Vpp
) 3
I 1 |
Vb2 "‘ea" rI:IQS Q4B Qaa
— SETIR
Qﬁc QEA (1) : : A rvvcr |
| vem] Vi —Et O1a °1a%|" v _l ITE-”—'
Yi/2 4 Yuo2 1/2 |—<r ks

74 RcAs Cea Cca
Vo1—={0ga Qgg O3 Rce I{%‘
—

; "

Figure 4.53. Schematic diagram of a two-stage fully differential op-amp with a common-
mode feedback circuit.
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Vi~

\"|+|— +

_  Figure 4.54. Conceptual representation of the resistive
Vo  divider common-mode signal detector of Fig. 4.53.

very front end of the operational amplifier. Therefore, an equally amplified common-
mode feedback signal and differential-mode input signal are combined as currents
into the loads Q4 and Q,g. From there on to the outputs, the signals share the same
circuitry, including the compensation networks consisting of Rca, Cca, Rcp, and
Ccp. One potential drawback of this circuit is the resistors in the common-mode
signal detector, which loads the op-amp differential output stages and hence degrades
the amplifier dc gain. This effect can be reduced by designing the output stage
transistors Q14, Q1s, Qaa, and Qyp to have large W/L ratios and large currents, hence
increasing their transconductances.

The use of resistive divider common-mode signal detector is shown conceptually
in Fig. 4.54. In sampled analog systems such as switched-capacitor circuits, the same
method used for processing the differential signals can be used for the common-mode
detector circuit. Figure 4.55 shows the symbolic representation of the differential
switched-capacitor integrator of Fig. 4.47 with a switched-capacitor common-mode
detector. In this circuit a pair of integrating capacitors C., and C,; and a pair of
switched-capacitor resistors o; C,; and a,; C,, implements the common-mode signal
detector. This circuit is equivalent to a parallel RC circuit which takes the average

o
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1 2 1 2
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?_Iﬂ'c & o G1Cg1
T 2 T C1 T 2
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Figure 4.55. Fully differential integrator with switched-capacitor common-mode feedback
circuit.
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Figure 4.56. Fully differential folded-cascode operational amplifier with switched-capacitor
common-mode feedback.

of the two voltages v, and v, . For proper operation, the time constant of the
equivalent RC should be much faster than the one in the differential signal path
[13,18]. Normally, the sizes of a,C., and «a,C,, are between one-fourth and one-
tenth of that of the nonswitched capacitors.

The circuit diagram of a fully differential folded-cascode operational amplifier
with switched-capacitor common-mode feedback is shown in Fig. 4.56. The com-
mon-mode output level of the amplifier is maintained by the switched-capacitor
feedback circuitry. Capacitors C; and C; in Fig. 4.56 have equal values and form
a voltage divider. A bias voltage is generated across these capacitors based on the
average voltage of the differential outputs and is used to control the gates of the
NMOS transistors in the output stage (node A). The dc voltages across C,, and C,,
are established by the switched-capacitors o, C,, and a,C,;. These capacitors are
first charged between the desired output common-mode voltage and a fixed bias
voltage and are subsequently thrown in parallel to C,; and C,. The fixed bias voltage
is equal to the desired voltage used to bias the output-stage current sources. Only
changes in the common-mode output are coupled to node A, which returns the
common-mode output voltage to the desired level through negative feedback. During
the period that the switches controlled by &, are on, corrective charges are transferred
to C,; and C,, through the switched capacitors to prevent any drift in the common-
mode output voltage. The switched-capacitor common-mode feedback circuit has a
wide output voltage swing and is the preferred choice in applications where the op-
amp is used in a fully differential circuit involving switched capacitors.
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The main objective of the output stage of an operational amplifier is to be able to
drive a load consisting of a large capacitance (up to several nanofarads) and/or a
small resistance (down to 50 {2 or less) with an acceptably low level of signal
distortion. It is also desirable to have a large output voltage range, preferably from
rail to rail. To achieve the extended voltage swing, the output transistors should be
connected in a common-source configuration. In fact, in CMOS operational amplifier
design practice a push-pull stage is often used as an output stage, as shown in Fig.
4.57. The push-pull stage consists of two complementary common-source transistors
Q, and Q,, allowing rail-to-rail output voltage swing. The gates of the two output
transistors are normally driven by two in-phase ac signals separated by a dc voltage
[19,20]. When the input signals are above their corresponding dc values, the drain
current of the NMOS device will be larger than the drain current of the PMOS
transistor, and hence the output stage pulls a current from the load. If, on the other
hand, the input signals are below their dc values, the output stage sources more
current than it sinks and thus it pushes a current into the load.

Another important feature of the output stage is the efficiency, which requires a
high ratio between the maximum signal current that can be delivered to the load
and the quiescent current of the output stage. To achieve this requirement, a class
B biasing scheme can be used. Because an output stage using this type of biasing
will provide a large output current with a quiescent current that is approximately
zero. The drawback, however, is that output stages with class B biasing introduce
a large crossover distortion. The distortion can be reduced by using a class A biasing
scheme. However, the maximum output current of a class A biased output stage is
equal to its quiescent current, which results in poor power efficiency for a rail-to-
rail output signal.

A compromise can be achieved between crossover distortion and quiescent power
dissipation by using an output stage that is biased between class A and class B. This
is called the class AB biasing scheme. In the push-pull output stage of Fig. 4.57,
the class AB biasing scheme can be accomplished by keeping the voltage between

Vinp

Figure 4.57. Push-pull CMOS output stage with rail-to-rail output
Vss swing.
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Figure 4.58. Push-pull CMOS output stage with class AB
biasing. Vss

the gates of the output transistors constant. This principle is shown in Fig. 4.58. To
make the quiescent current and the relation between the push and pull currents
independent of the supply voltage and process variations, the voltage source V45 in
Fig. 4.58 has to track these parameters. Figure 4.59 shows the desired class AB
transfer function where the output transistors are biased with a small quiescent
current, which improves the crossover distortion compared to a class B biased output
stage. Also shown is the maximum output current, which is much larger than the
quiescent current and increases the power efficiency compared to a class A biased
output stage. To further reduce the crossover distortion, the transistor that is not
delivering the output current should be biased with a small amount of Tesidual -
current. This current will eliminate the turn-on delay of the nonactive output device,
hence reducing the crossover distortion [21]. This minimum current is represented
by I, in Fig. 4.59.

Two other important parameters of the push-pull rail-to-rail output stage of Fig.
4.58 are the output voltage range and the maximum output current that is supplied
to the load. To determine the output voltage range, first assume that the input signal
voltage in Fig. 4.58 is increasing. This will cause the NMOS transistor to pull more
current from the load, and thus the output voltage decreases. This process continues
until the NMOS device ends up in the triode region and the output voltage becomes

output device
n-channel drain current p-channel
Imin
quiescent
current f

(load current) I

Figure 4.59. Output-stage current for class AB biasing.
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transconductance output
— amplifier stage Figure 4.60. Multistage low-output-
impedance op-amp.

limited. The same happens for the PMOS device when the input signal decreases.
The output voltage swing can be extended by maximizing the gate-to-source voltage
swing and by choosing the largest possible W/L ratio for the output devices. The
allowable gate-to-source voltage drive and the dimensions of the output transistors
also determine the maximum output current of the output stage. In conclusion, an
adequately designed class AB output stage should allow the gate-to-source voltage
of the output transistors to get as close to the supply rails as possible.

Operational amplifiers that are required to drive a heavy load at the output (espe-
cially a small resistance) use a multistage structure, as shown in Fig. 4.60 [22]. The
first stage is typically a transconductance preamplifier, which provides differential
input and a large gain. The output stage is a class AB biased push-pull circuit that
provides low output impedance and a large current-driving capability. In the follow-
ing a variety of output stages are presented and discussed.

The first circuit considered is shown in Fig. 4.61 [22]. For a zero applied differen-
tial input signal (v;, — v;; = 0), the two matched current sources I, made of devices
Oi0 and Oy, uniquely define the circuit quiescent current level. For simplicity let
us assume that the four NMOS input transistors @), Q», Os, and Qs and the four
PMOS input transistors @3, Q4. @7, and Qg are identical devices. Then Vggy =
VGS'_E = Vgsg = VGSG and VGSﬂ = Vgsa = VGS‘? = Vg_gg, which results in f| = 12
= I. Under this condition the current in output devices Q14 and Q5 is also determined
by the current source devices Q¢ and @, and the W/L ratio of the two current
mirrors (2, Q14 and Q43, Q5. It follows, therefore, that the class AB biasing scheme

Figure 4.61. Schematic of class AB amplifier.
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makes the quiescent power consumption of the circuit be controlled precisely by
the two matched current sources in the input stage.

When the differential input signal is positive (v;; — v;; > 0), the voltage drop
across O, and Qs is increased by Au, = v;f — v;,, while the drop across Q, and
Q, is decreased by the same amount. Consequently, the current through Qs is
increased while the current in Q,, is reduced close to zero, and a current much larger
than the quiescent level, determined by the W/L ratio of Q.5 and Q,s, is available
through Qs to be delivered to the load.

The peak value for currents I; and I, and hence the output current is a function
of the applied input voltage. In practice, however, as the current level increases, the
sum of the voltage drops across @y, Q4, and Q,, (Q3, Q,, and Q,3) also increases,
until it is equal to the total supply voltage. At this point devices @, and Q, (Q, and
Q3) or both enter the linear region of operation, and the current level becomes
practically constant independent of the applied input voltage.

The circuit of Fig. 4.61 can be used as a stand-alone single-stage op-amp. It is
also suitable for a differential output op-amp since it can produce a complementary
output simply by adding two additional current mirrors symmetrical with respect to
12,014 and Q13,05 Figure 4.62 shows the entire fully differential amplifier sche-
matic where cascode transistors can be added to the output stage to increase the
output impedance and hence the gain [14]. A common-mode feedback should be
added to V,,, in Fig. 4.62 for proper operation. The amplifier of Fig. 4.61 can also
be used as the output section for a two-stage amplifier. Figure 4.63 shows the sche-
matic of a two-stage low-output-impedance op-amp, where the first-stage transcon-
ductance amplifier is made of a simple folded-cascode differential amplifier. Note
that in this configuration one input of the differential output stage is connected to
an appropriate dc potential (Vpies4), such as halfway between the two supplies. It is

Figure 4.62. Simplified schematic of fully differential op-amp.
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Vss

Figure 4.63. Two-stage low-output-impedance op-amp.

also possible to connect the differential input of the output stage to the differential
output of a fully differential folded-cascode transconductance amplifier. This is
shown in Fig. 4.64, where a common-mode feedback is used to stabilize the differen-
tial output of the first stage [14]. This technique is discussed in more detail later in
the section.

A simplified version of the class AB output stage of Fig. 4.61 is shown in Fig.
4.65a [23]. Compared to the amplifier of Fig. 4.61, the positive input and all the

Voo
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Vss
Figure 4.64. Alternative form of two-stage low-output-impedance op-amp.
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Figure 4.65. (a) Class AB output stage; (b) wideband class AB output stage.
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corresponding devices are eliminated. The input v, is intentionally biased one Vg
below the positive supply and it directly drives the gate of the p-channel output
device. The n-channel output transistor is driven by the output of the common-gate
amplifier, consisting of devices Q),, 0,3, and Q4. Assuming that

(W/L),2 = p(W/L)e, (4.111)
(W/L)y3 = p(W/L),q, (4.112)
(W/L)1s = mp(W/L),s, (4.113)
(W/L)1o = m(W/L)14, (4.114)
then in quiescent condition,
Vesiz + Vasiz + Vesia = Vasis + Vasie + Vasiz (4.115)
and
I[ = PIQ’
I, = mply.

Also, from Eqgs. (4.111)-(4.114) and Eq. (4.115) it is clear that in quiescent condi-
tions

Vesis = Vasir, (4.116)
Vesiz = Vgsies 4.117)
Vesis = Vgsis. (4.118)

Under these conditions, the bias voltage of u, is set to Vpp — Vigs1s. The input
voltage v, in the negative direction can swing from Vpp — Vg5 all the way down
to Vss, causing Qg to provide a large sourcing current. The maximum sourcing
current is given by

(U5 Imax = kﬂ(ﬂ) (Vop ~ Vss — Vp)*. (4.119)
L)

In the positive direction, v, can swing from Vpp — Vs to Vpp. The maximum
sinking current is given by

2
ky2k 1 I I
I+ = X 12K13 (VZ.F _Q+‘\/__Q+V")'
e Wi + Vi Vs T Ve T Vi T

(4.120)

where k; = kj (W/L).
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Referring to Fig. 4.65a, the operation of the circuit is as follows. To source an
output current, v, goes low and drives the gate of Q5 more negative, which increases
its drain current. At the same time, the output of the positive-gain common-gate
amplifier consisting of devices Q,,, 0,3, and Q,4 also goes low, reducing the current
of 0. To sink current, v, goes high; it shuts off Q0,3 by reducing its gate drive
and also pulls the gate of Q¢ high, which in turn increases its drain current. The
maximum source and sink currents are given by Egs. (4.119) and (4.120).

To drive small resistive loads, the devices used in the output stage are very large.
Since the transistor parasitic capacitances increase much faster than its transconduct-
ance, the frequency response of the output stage and therefore the entire op-amp
deteriorates. More specifically, as a result of a dramatic increase in Cgg)g, the non-
dominant pole at node A moves closer to the dominant pole and hence makes the
frequency compensation very difficult. An alternative wideband circuit is shown in
Fig. 4.65b, where a source follower Q,, has been added to bias node A, and the
impedance has been reduced from 1/g,,4 in Fig. 4.65a to 1/g,,,, in Fig. 4.65b.

The complete circuit schematic of the two-stage low-output-impedance op-amp
that uses the output stage of Fig. 4.65b is shown in Fig. 4.66. The input transconduct-
ance stage is made of a folded-cascode differential amplifier. The bias current is set
by resistor R and the three diode-connected devices (3, to (3, which are connected
in series between Vpp and the negative supply. The frequency response of the circuit
exhibits several real poles. It has two dominant poles, which are due to the output
impedance and the corresponding load capacitances of the folded-cascode differen-
tial amplifier and the output stage. The remaining nondominant poles are at nodes
A to H, which are located at much higher frequencies than are the dominant poles.
This is because the impedance levels at all these nodes are determined by the 1/g,,
value of a large MOS device, which is much smaller than the output impedance at
the two nodes that determine the two dominant poles. The op-amp therefore can be
compensated using the Miller capacitance C. in series with a zero-nulling NMOS
device operating in triode region, which is connected between the two high-imped-
ance nodes.

Another approach for a class AB push-pull output stage is illustrated in Fig. 4.67
[24]. Here the two large common-source output transistors Q; and Q, are driven by
two error amplifiers, A; and A;. The feedback loop around A; (A;) and Q; (Q;)
ensures low output impedance. In this configuration the error amplifiers must satisfy
a number of requirements for proper operation of the output stage. First, since the
error amplifiers have an input-referred dc offset voltage on the order of several
millivolts, they must have a reduced value of open-loop gain on the order of 10.
Otherwise, in the case of a large gain, the input referred offset voltage, when referred
to the output, will cause unacceptable variations of the quiescent currents in @, and
;. A second requirement is that the error amplifiers must have a rail-to-rail output
and input swing so that they can provide good drive capability for the output transis-
tors. Finally, they must be broadband, to prevent crossover distortion. This may
become difficult to achieve, however, due to stability constraints.

An alternative form of the output stage of Fig. 4.67 can be achieved by considering
the CMOS class AB complementary source-follower stage of Fig. 4.68, which is a
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Figure 4.67. Block diagram of CMOS op-
amp with class AB push-pull output stage. Vss

direct analog of its bipolar counterpart. In the circuit, @, and Q4 form a gain stage,
while Qs and Qg drive the load R; and @, and Q5 provide a voltage drop between
the gates of Q5 and Qg to reduce crossover distortion. The sizes of ; and Q5 are
chosen such that the gate-to-source voltages of Qs and Qg are slightly larger than
their threshold voltages. The primary drawback of this circuit is that the gate-to-
source voltage of the output transistors limits the output voltage swing. The maxi-
mum output voltage for Ry, — = is Vpp — Vrs and the minimum is Vgs — |Vrl,
where Vrs (Vrs) is the threshold voltage of Qs (Qg). If R; draws current from, say,
Qs, the device must provide a drain current v,,,/R; and hence needs a gate-to-source
voltage Vs = Vrs + V wou/(ksRy) . This increases rapidly with decreasing R;, and
hence represents an important limitation on the achievable positive output voltage
swing. Similar considerations hold, of course, for negative swings, due to the neces-
sary Viss.

Many of the problems of the output stages of Fig. 4.67 and 4.68 are easily solved

Vin
Figure 4.68. CMOS class AB push-pull output stage
based on the traditional bipolar implementation.
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Figure 4.69. Combined class AB and class B output stage.

by merging the two output stages as shown in Fig. 4.69. The problem of quiescent
current control is solved by deliberately introducing an offset voltage into A, and
A, in such a way that transistors Q7 and Qg are not carrying any current in the
quiescent state. Transistors Qs and Qg therefore control the quiescent output current.
The quiescent output current will be proportional to the current through Q> and Q3
and is a function of the W/L ratios of Qs to Qs and Qg to Q5. In steady state the
class AB circuit consisting of transistors Qs and Qg carries the entire output current.
The class B output stage, consisting of op-amps A, and A,, has a very large current-
driving capability but is kept off in quiescent conditions. When driving small resistive
loads, the class B output stage takes over operation of the stage.

Besides their usefulness in quiescent current control, transistors Qs and Qg
provide a high-frequency feedforward path from the input to the output of the
push-pull stage and reduce the excess phase shift introduced by op-amps A, and
A,. The op-amps still require some nominal phase compensation to make them
stable in the closed-loop unity-gain mode. The frequency characteristic of the
overall amplifier is determined largely by Qs and Qg rather than that of the
composite output stages.

Another class AB biased push-pull output stage is shown in Fig. 4.70 in block
diagram form [14]. In this circuit the output stage, consisting of devices @, and O,
is preceded by a fully differential preamplified stage A, . The output stage has several
important properties: It has low standby power dissipation, which can be controlled
by a supply-independent current source, it has a good current-driving capability, and
it has a simple configuration, so it avoids additional parasitic poles. The output stage
consists of devices Q, to Q4, and the quiescent current level at the output stage
is controlled by the common-mode voltage of the preamplifier stage. Here since the
output stage is driven by a fully differential-output preamplifier stage, an additional
common-mode feedback (CMF) is necessary to set the dc voltage values of the
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Figure 4.70. Class AB push-pull output stage with common-mode feedback.

differential output (i.e., v,y = v, = V, = V,,). Therefore, assuming that (W/L),/
(WIL); = (WIL);/(W/L),, the current I, in the output devices is given by

_ (WIL),
~ (W/L)s

1, I (4.121)
which can be made supply independent.

For this circuit, assuming that the input stage does not impose a limit on the
output stage, when it needs to sink the maximum available current, v,, = V, can
swing all the way up to Vpp, resulting in a rail-to-rail gate-to-source voltage drive
for Q,. To source current, v, swings to Vpp, forcing Q4 into the linear region. This
in turn causes V, to move close to Vg, resulting in a large Vg for Q. Because of
the complementary nature of the differential outputs of the input stages when one
of the outputs is close to Vpp, the other one is close to Vgg. As a result, the output
stage delivers a push-pull drive to the output transistors @, and @, in such a way
that when one of the devices is heavily conducting, the other one is turned off. Also,
since the Vs drives of the output transistors can be as high as the full supply voltage,
they can supply a large amount of output current with relatively small device sizes.

The circuit diagram of the complete op-amp is shown in Fig. 4.71. Transistors
Qio to @47, along with resistor Rp, constitute the biasing section. Transistors Q4
to Q,s realize the differential output folded-cascode preamplifier stage. Transistors
Qa3 and Qg6 establish bias voltages for the high-swing cascode current sources.
Transistors Qs to Q,3, which establish a bias voltage equal to V, at the output of
the differential stage, achieve the continuous-time common-mode feedback. In the
conceptual block diagram representation of the preamplifier stage shown in Fig.
4.70, the common-mode feedback sets the voltage values of the two differential
outputs as

Upl) = Up2a =V, = V. (4.122)

In Fig. 4.71 the common-mode feedback is realized by devices Qg to O3, while Qs
and the current source Qg and Q; generate the bias voltage V, = Vggs. Devices 0,
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and Q,; form a current source that supplies a fixed current to the four source-coupled
devices Qg to @y,. The W/L ratio of Qg to @), are equal; therefore, the tail current
is divided equally among the four devices, resulting in equal gate-to-source voltages,
SO

Vess = Veso = Vesio = Vesii- (4.123)

Since the gate potentials of all four devices are equal, the differential output of the
preamplifier stage will be biased to V. The output stage, consisting of devices @,
to (s, is similar to the circuit shown in Fig. 4.70, where the quiescent output current
is given by Eq. (4.121).

The open-loop gain of the op-amp is calculated as A = gn147o8m2Rz, Where r,
is the output impedance of the preamplifier stage and R; is the load of the output
stage. The op-amp can be compensated using two Miller capacitors C; and C; along
with their zero-nulling MOS resistors, Q¢ and Qc>. Assuming widely spaced poles,
the dominant pole is calculated as

1
S0 = ¢ (Cor + Car)’

(4.124)

where Cyp = (1 + gm!g,,,g)(clﬂ) and Cm = g,,,;RLCz [14] The load capacitance
C,, along with the other parasitic capacitances, generate poles and zeros that are
above the unity-gain frequency. The common-mode feedback circuit creates a
pole—zero doublet which is an order of magnitude below the unity-gain frequency.
These are given by

- gm0

% ConCud/(Can + Cad)’ (4.125)
__ __28mw0

5,1 = Con + Cons” (4.126)

where Cps = (1 + 2gm10R2)C, and R, is the resistance of the zero-nulling MOS
device Q. Since s, and s.; are close to each other, the pole—zero doublet does
not cause any instability in the frequency response.

The class AB push-pull output stages presented thus far use elaborate techniques
to solve the level-shifting problem between the two signals that drive the output
devices and set their quiescent bias currents. A simple, yet very powerful technique
that is based on the push-pull stage of Fig. 4.58 is shown in Fig. 4.72 [25]. The
circuit consists of the push-pull output stage made of devices @, and Q. In this
circuit, transistors Qs and Qg form a typical gain stage where the input signal alters
the relative conduction levels of the common-gate devices. The class AB bias circuit
sets up the two loops, Q1,05 and 0,,Q,, that fix the voltage drop between the gates
of the output devices.

Referring to Fig. 4.72, the quiescent conditions of the output stage are established
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Figure 4.72. Rail-to-rail output stage with common-gate level shifters.

as follows. The complementary currents I,; and Iy, (I,; = I2 = I,) from the bias
generator flow into complementary stacks of diode-connected transistors Q,,Qs and
Q9,010 whose drain potentials are used to bias the gates of the common-gate transis-
tors Q5 and Q4. In steady state the current I = 2], through transistor Qs is equally
divided between devices Q3, and Q4 so that each one carries a current equal to [.
Assuming that

(WIL); = (WIL)y, (4.127)
(WIL); = (W/L)g, (4.128)
and since Q5,03 and Q4,0 carry the same drain currents I, they will have equal

gate-to-source voltages and we have V, = V; and V| = V. As aresult @,,0,0 and
Q,.0; will also have equal gate-to-source voltages and the steady-state output current

is given by

I =1 (WIL), I (WIL);
o b (WILY, ~— "®(W/L)yo"

(4.129)

When the output stage is driven to sink a large load current, v;, goes low and
pulls v; and v, up to a high level close to Vpp. Under this condition Q4 is completely
shut off and Q; carries the full current of I = 21, from Qs. The source of Q; rises
to its maximum point, thus cutting back on the conduction of Q;. The drain of the
common-gate device Qs also goes high, hence pulling the gate of @, high, making
it heavily conductive. Under the conditions of strong sourcing, v;, goes high, causing
v, and v, to be pulled low. In this case Q; is completely shut off and Q4 carries the
full current of I = 2I,. The source of Q4 pulls the gate of @, low, hence making
it highly conductive.
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A complete differential op-amp employing the output stage of Fig. 4.72 is shown
in Fig. 4.73. A folded-cascode input stage is used, providing high open-loop gain.
The biasing circuit consisting of resistor Rp and transistors Q3 to Oy, is designed
such that all devices are biased at the onset of their saturation regions, hence maxi-
mizing the output voltage swing while providing high gain. The common-gate level-
shifter circuit is inserted in the output stage of the folded-cascode differential stage.
The op-amp of Fig. 4.73, with an output stage that uses common-gate level shifter
to bias the push-pull output devices, is very compact and power efficient and is very
suitable for driving small resistive loads.

4.10. OP-AMPS WITH RAIL-TO-RAIL INPUT COMMON-MODE RANGE

In this chapter two generations of CMOS op-amps were presented. The first genera-
tion of op-amps was limited to transconductance amplifiers. They had modest perfor-
mance and were able to drive only capacitive loads. In addition to high-performance
transconductance amplifiers, the second generation of these op-amps were able to
drive resistive as well as capacitive loads with a level of performance which is
compatible to that of their bipolar counterparts. In addition to having a high-perfor-
mance output stage, third-generation CMOS op-amps have a wide-input common-
mode range, which includes the positive and negative power supply rails. The wide-
input common-mode range is important for low-voltage applications where the op-
amp is connected in a vnity-gain buffer configuration.

In an earlier section it was shown that op-amps with p-channel differential stage
input devices such as the one in Fig. 4.35 have an input common-mode range that
includes the negative power supply. The positive common-mode range is, however,
limited to 1.4 to 1.6 V below the positive supply. Op-amps with n-channel input
devices have the opposite properties. They have a positive-input common-mode
range that includes the positive power supply, whereas the negative range is 1.4 to
1.6 V above the negative supply. For applications where the common-mode input
range goes beyond or at least includes both power supply rails, such as the unity-
gain buffer shown in Fig. 4.36b, the op-amp requires an input stage with an NMOS
and PMOS differential pair connected in parallel. Several op-amp structures with
rail-to-rail common-mode input stage are available [14,26]. One example of such
an input stage is shown in Fig. 4.74. It has a folded-cascode differential-output
structure with common-mode feedback.

The input stage of the op-amp in Fig. 4.74 is constructed from the parallel connec-
tion of p- and n-channel differential stages made of transistors Qs to Qg and Q¢ to
0.9, respectively. The differential-stage tail current sources are formed from devices
QOs.07 and O43,0,9. They use a cascode structure to increase the output impedance
and hence the CMRR, as suggested by Eq. (3.80). High common-mode rejection is
important when the op-amp is connected as a unity-gain buffer. Transistors Q4 to
(47 form a simple bias circuit. The two p-channel transistors, Q4 and Q4,, combined
with resistor R, generate the reference current. This current is mirrored into transis-
tors Q4> to Q4e, which generate the bias voltages for the high-swing cascode current
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sources. The input stage uses a folded-cascode structure made of transistors Qo to
Q,7. An additional common-mode feedback (CMF) circuit sets the dc voltage values
of the two differential outputs. The configuration of the common-mode feedback
circuit is based on the conceptual block diagram shown in Fig. 4.70. The operation
of the common-mode feedback circuit was described in Section 4.9.

One major shortcoming of the differential stage of Fig. 4.74 is the fact that a
current imbalance occurs in the load device when the common-mode input voltage
approaches Vpp or V. Consider the case when the common-mode voltage ap-
proaches Vpp. Then as the input devices Qg and Qg turn off the current components
I that enter the drain of the devices, Q¢ and Q,7 become zero. This current imbalance
causes the drains of Q¢ and Q,7 to snap to Vsg and the op-amp ceases operating in
the linear region. T» remedy this problem, the circuit is modified by adding transis-
tors O to Q37 (Fig. 4.75) to the input stage and dividing the currents in the devices
Q10 and Q;; as well as Q5 and Q7 into two components: one that is constant and
the other that is input dependent. The input-dependent current component becomes
zero when their correspond.ng input pair devices turn off [14,27]. The complete op-
amp is shown in Fig. 4.75. Wow the sum of currents through the pairs Q10a—Q108.
Q114a-0 118, Q16a-C168B- and Q74— s are normally equal to 2/, while the currents
in Oy, to Q,5 are equal to /. When the input common-mode voltage approaches Vpp
(or Vss), devices Qg, Qo, and Qsa (or OQss, @27, and Qs6) cut off and cause the
currents through devices Q64 and Q74 (or Q104 and Qy14) to drop to zero. As a
result, output voltages v,; and v,; remain stable over the complete common-mode
input voltage range.

The output stage for the op-amp of Fig. 4.75 is formed from transistors ¢, to
Q4. The common-mode feedback circuit sets the quiescent current I, in the output
devices to

_ (WIL),
~ (WIL)s

A Ip. (4.130)

The class AB push-pull output stage is based on the configuration of Fig. 4.70; its
operation was described in Section 4.9.

Frequency compensation for the op-amp is achieved using two Miller capacitors
along with their corresponding zero-nulling MOS resistors. The open-loop gain is
calculated to be A = (gms + &m26)708m2 R, Where r, is the output impedance of
the input stage and R, is the load resistor.

One major drawback of the rail-to-rail op-amp shown in Fig. 4.75 is that the
transconductance (g,,) of the input devices varies by a factor of 2 over the input
common-mode range. This large variation in g, prevents the op-amp from having
an optimum frequency compensation over the entire operating range. To keep the
transconductance constant, the g,, value of the lower and upper parts of the input
range should be increased by a factor of 2. This is because in the middle of the
common-mode range the g,, value of the input stage is the sum of the g,, values of
the p- and n-channel devices. In the lower common-mode range the n-channel de-
vices turn off and the g,, value of the input stage is reduced to the g, value of the
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p-channel devices. Clearly, the opposite takes place in the upper common-mode
range. The g, values of the p- and n-channel input devices are given by

W
(gm) = \/P‘ Cox(_) IO'!
? AL, (4.131)

W
(gm)n = \/l-"ncox(f)u Io'

From the equations above, it can be observed that to maintain a constant g,, value,
the following condition should be satisfied between the W/L ratios of the p- and n-
channel input devices:

W)y _ P
~— g
W), ~ (4.132)

As suggested by Eq. (4.131), the g, value of the MOS device is proportional to the
square root of its drain current. Therefore, while the p- and n-channel input devices
should satisfy the condition of Eq. (4.132), to maintain a constant g,, value, the tail
currents of the input stages should also vary by a factor of 4 over the input common-
mode range. In other words, in the middle of the common-mode range, the p- and n-
channel input stages would have tail currents that are equal to I,. In the upper and lower
parts of the input range, the tail currents of the p- and n-channel differential stages
should be increased to 41,,, respectively. This will maintain an approximately constant
& for the input stage over the entire input common-mode range.

This principle is applied to the circuit shown in Fig. 4.76 [20]. A rail-to-rail input
stage is shown, where p- and n-channel differential pairs are placed in parallel.

100 .
QBj— EIGT b Q21 °11_L_l—>——| Qq2
21
Vb2 ﬁ I Vbs
._.| Qg 21 I, v
[+ ]
Vin ‘ : v
""0 [,
E o o Erak

-—
' - | Vba 2 [ 21
091] Qg ~glj:lzn & F—[Iﬂm
¢ -

Figure 4.76. Rail-to-rail folded-cascode constant-g,, differential stage.
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Similar to the op-amp of Fig. 4.75, the stage is able to reach the positive and negative
supply rails through the n-channel (Q3;—-Q,) and p-channel (Q,-Q-) input pairs. The
constant-g,, property is achieved by the addition of the current switches Qs and Qg
and the two current mirrors Qs—(Q5 and Qy—0,¢, each with a gain of 3. To better
understand the constant-g,, control circuit, the input common-mode range will be
divided into three regions.

When the input common-mode goes below Vi3 = (Vgs)gs + (Vpsar)gzo, the n-
channel input devices will start turning off and the p-channel input pair will be
operational. In this case the n-channel current switch Qs will turn on while the p-
channel current switch Qg is off. The current of transistor Qs is multiplied by a
factor of 3 and is added to the tail current of the p-channel differential stage. The
tail current is therefore increased by a factor of 4, which results in doubling the
input g,,.

In the middle of the range, the input voltage is greater than V3 = (Vgslos +
(Vsat)ozo but less than Vi, = Vpp + |(Vgs)al| + |(Vpsa)g21|- Now the p- and n-
channel current switches, Qs and Qg are both off, with both input pairs operational.
The result is that the g, of the input stage is equal to the sum of the g,, of the p-
and n-channel differential pairs.

Finally, when the input common-mode range exceeds V,, = Vpp + |(Vas)ai|
+ |(Vpsar)o21|, the p-channel input stage will start turning off, while the n-channel
pair will still be operational. The p-channel current switch will turn on, and the
current of transistor Qg, after being multiplied by a factor of 3, will be added to the
tail current of the n-channel input pair. The result is that the tail current of the n-
channel pair is multiplied by a factor of 4, which increases the effective input g,,
by a factor of 2.

The cascode current mirrors Q;; to Q;4 and the folded-cascode devices Qs and
Q6 form the single-ended output stage. The biasing schemes shown in Fig. 4.10
can be used to maximize the output voltage range. The op-amp of Fig. 4.76 can be
used as a stand-alone single-stage transconductance amplifier with a rail-to-rail input
range that can be used to drive capacitive loads; or with the addition of one of the
high-performance output stages described in Section 4.9, it can be used as a general-
purpose op-amp that is able to drive resistive as well as capacitive loads.

PROBLEMS

4.1. Prove Egs. (4.3) to (4.7) for the circuit of Fig. 4.3. How much is the dynamic

range for (a) the op-amp alone and (b) the feedback amplifier if Ve = 10
V,A = 10°, /1 = 50 uV, and R, = 10R,?

4.2. Show that the load conductance represented by Q; in Fig. 4.6 is g, = g3 +
8a3-

4.3. Show that the small-signal output impedance of the differential stage of Fig.
4.7 is given by Eq. (4.10).
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4.4. Show that the small-signal output impedance of the single-stage folded-cas-
code op-amp of Fig. 4.9 is given by Eq. (4.12).

4.5. Prove Eq. (4.14) for the high-swing folded-cascode op-amp of Fig. 4.10.

4.6. Prove Eq. (4.55) for the poles of the circuit of Fig. 4.23. [Hints: Calculate
A S) from Eqgs. (4.49) and (4.50). Write its denominator as

2
(l_i)(l_i)=1 s, 8

Find 5,1 and sp2; use (gms + 8mo)/(8az + 8aa) > 1 and (gmg + gmo)(8as +
ga9) > 1.]

4.7. Prove that the zeros of A,(s) for the circuit of Fig. 4.25 are at s — <, while
its poles are the same as for the circuit of Fig. 4.23.

4.8. Derive Eqs. (4.57) to (4.59) for the circuit of Fig. 4.27. Why is A(s) now a
third-order function, whereas for the circuit of Fig. 4.23 it was only second
order?

4.9. Prove Eq. (4.70) for the three-stage op-amp of Fig. 4.30.

4.10. Prove Eqgs. (4.71) and (4.72) for the small-signal equivalent circuit of Fig.
4.31.

4.11. Show that Eq. (4.93) gives the small-signal output voltage of the circuit of
Fig. 4.40a if v, = Viu(t) and the op-amp transfer function is given by Eq.
(4.92).

4.12. Using the low-frequency small-signal models for devices @, to Q4, show that
the voltage-gain relations of Egs. (4.101) and (4.102) hold for the noisy input
stage shown in Fig. 4.45.

4.13. The circuit of Fig. 4.77 can be used to measure the unity-gain bandwidth wy
of an op-amp. Show that wg is the frequency at which Vo, (w) = V(@)
2; that is, the voltage gain is 3 dB below its dc value.

4.14. For the circuit of Problem 4.13, let the open-loop gain of the op-amp have a
phase margin of 60° at the unity-gain bandwidth w,. How much is the phase
shift between V,, and Vj, at wg?

Y —0 Vout
Figure 4.77. Op-amp in unity-gain configuration
(Problem 4.13).
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23
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Figure 4.78. Op-amp with nonzero output impedance (Problem 4.15).

4.15. Show that in the circuit of Fig. 4.78, the effective output impedance is
Rou( —A. + 1)/A, where A, = — Z,/Z, is the closed-loop gain of the stage.
Assume that A > 1 and Ry, /A <€ |Z,| and |Z,].

4.16. Let the output voltages of the differential op-amp of Fig. 4.50 change by a
differential amount so that vgy = vVew + v and vgy — Vour — v. Show that
the sum of the drain currents of Q3 and Q, remains unchanged. [Hinr: Assume
that Q5 and (4 are in their linear regions, and hence you can use Eq. (2.7).]

4.17. Prove relations (4.107) and (4.108), giving the gain and output impedances,
respectively, of the differential op-amp of Fig. 4.50.

4.18. Show that the aspect ratios of the bias circuit of Fig. 4.51 are given by Eq.
(4.109) if we choose I = I,/2 in Fig. 4.50, L,;,; = I, as the bias chain current,
and zero dc common-mode output voltage.

4.19. Show that (if necessary) a differential output op-amp can be constructed from
two single-ended-output op-amps using the circuit [15] of Fig. 4.79.

4.20, Show that for the output stage of Fig. 4.65 the maximum sourcing and sinking
currents are given by Egs. (4.119) and (4.120), respectively.

4.21. Find the output impedance of the circuit of Fig. 4.68 (Hint: Set v, = 0 and
connect the output terminal to a test source. Calculate the current through the
source.)

Figure 4.79. Simplified equivalent circuit of
a differential output op-amp (Problem 4.19).

oo ———— ey
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4.22. Prove Eq. (4.121) for the output stage of Fig. 4.70.

4.23. Show that the dominant pole of the compensated op-amp of Fig. 4.71 is given
by Eq. (4.124).

4.24. Prove that the common-mode feedback circuit of Fig. 4.71 creates a pole—zero
doublet given by Eqgs. (4.125) and (4.126).

4.25. Prove Eq. (4.130) for the op-amp of Fig. 4.75.

4.26. Prove that if (1) Av(s) is a rational function with its poles having negative
real parts and (2) Re[kA ( jw}] > -1 for all w, the s values satisfying kA (5)
= —1 all have negative real parts. [ Hint: By the maximum-modulus theorem
of complex functions, if kAu(s) has no poles in the right half of the s plane,
its real part in the same region has its minimum value on the jw axis.]

4.27. Show that the input common-mode limit for the differential stage of Fig. 4.36
is given by Eq. (4.80).

4.28. Show that the maximum sourcing and sinking currents for the Fig. 4.65a is
given by Eqgs. (4.119) and (4.120).

4.29. Show that the dominant pole of the op-amp of Fig. 4.71 is given by Eq.
(4.124).

4.30. Prove that the common-mode feedback circuit in the op-amp of Fig. 4.71
creates a pole—zero doublet given by Egs. (4.125) and (4.126).
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CHAPTER 5

COMPARATORS

Comparators are the second most widely used components in electronic circuits,
after operational amplifiers. A voltage comparator is a circuit that compares the
instantaneous value of an input signal v;,(¢) with a reference voltage V.. and pro-
duces a logic output level depending on whether the input is larger or smaller than the
reference level. The most important application for a high-speed voltage comparator
occurs in an analog-to-digital converter system. In fact, the conversion speed is
limited by the decision-making response time of the comparator. Other systems may
also require voltage comparison, such as zero-crossing detectors, peak detectors,
and full-wave rectifiers. In this chapter a number of approaches to comparator design
are presented. First, the single-ended auto-zeroing comparator is examined, followed
by simple and multistage differential comparators, regenerative comparators, and
fully differential comparators. Several design principles are introduced that can be
used to minimize input offset voltage and clock-feedthrough effects.

5.1. CIRCUIT MODELING OF A COMPARATOR

One very important and widely used comparator configuration is a high-gain differ-
ential input, single-ended output amplifier [1,2]. Figure 5.1a shows the symbol of
a differential comparator which is very similar to that of an operational amplifier.
Usually, the comparator stage is followed by a latch, which is essentially a bistable
multivibrator. The latch provides a large and fast output signal whose amplitude
and waveform are independent of those of the input signal and is hence well suited
for the logic circuits following the latch. If no latch is used, the output w,,, should
have a large swing, say, 0 to +5 V, as the input changes from —1 mV to +1 mV.
Thus the required gain is around 5 V/2 mV = 2500, or 68 dB. If a latch is used,
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Figure 5.1. (a) Differential-input comparator; (b)
transfer curve of ideal comparator. )

Uou Only needs to be higher than the combined offset and threshold voltages of the
latch; this value is around 0.2 V or less. Hence a gain of 200 is now adequate.
A comparator is therefore essentially a high-gain op-amp designed for open-loop
operation. But unlike an op-amp it does not require frequency compensation.

The transfer curve of the ideal differential comparator is shown in Fig. 5.1b. In
this figure the negative input of the comparator in Fig. 5.1a is tied to a reference
voltage V.s. When the positive input is greater than Vi the output is high (Vog),
and when it is less than V., the output is low (Vo). The ideal transfer curve of
Fig. 5.1b corresponds to a differential gain of infinity. In actuality the differential
gain has a finite value equal to A,. The dc transfer curve of such a comparator is
shown in Fig. 5.2, where V;; and V,; are the input excess voltages called the over-
drive. The overdrive is the input level that drive the comparator from some initial
saturated input condition to an input level barely in excess of that required to cause
the output to switch state. Another nonideal effect of the differential comparator is
the input-referred dc offset voltage, V. In the absence of the offset voltage (Vo
= (), the comparator dc transfer curve will be symmetrical around V..;. However,
for a finite value of V., the output will begin changing only after the input difference
exceeds V,g. The dc transfer curve of a practical differential comparator with finite

Vout
VoH
Vi [/ Vin
(Vin~=Vin)
v,
Figure 5.2. Transfer curve of comparator with fi- oL

nite gain.
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Figure 5.3. Transfer curve of comparator with fi-
nite gain and dc offset voltage.

gain of A, and a dc offset voltage of Vi is shown in Fig. 5.3. Finally, the speed or
response time is another important parameter of a comparator. In most applications
it is required that following an appropriate input level change, the comparator must
switch between two output levels with fast rise and fall times in the shortest amount
of time. The response time is a function of the input overdrive voltage and it speeds
up as the overdrive is increased.

Another class of comparators, which contain a cascade of inverter stages, is
shown in Fig. 5.4. These comparators have a single-ended input/single-ended output
configuration and operate in two steps: an auto-zercing function followed by a
comparison cycle. These comparators, which are used primarily in flash analog-to-
digital converters, are discussed in the next section.

5.2. SINGLE-ENDED AUTO-ZEROING COMPARATORS [3]

Single-ended auto-zeroing comparators have been used extensively in high-speed
flash A/D converters. Considering the system of Fig. 5.4, let the inverters be realized
in CMOS technology; then a possible configuration for the input inverters is shown
in Fig. 5.5a, with the clock waveforms and node voltage v, illustrated in Fig. 5.5b.
The operation is as follows: Att = 0, switches §, and §; are closed. S, connects
the left-side terminal of the auto-zeroing capacitor C to ground, while S; shorts
nodes A and B. As a result, the nodes assume a voltage that can be found from the
intersection of the input—output dc characteristics of the inverter and the 45° line
representing the v, = vy condition. Figure 5.6 illustrates the situation: Fig. 5.6a
shows the inverter, and Fig. 5.6b (center curve) illustrates an example of input—out-
put characteristics (with S5 open) for Vpp = —Vss = 5V, and for the threshold
voltages, Vy,, = —Vp, = 1 V. The intersection of this curve with the vy = vp line
occurs at the origin; this is in the middle of the linear range, where Q, and @, are
both in saturation and the gain of the inverter is at maximum. This favorable bias

v m

Figure 5.4. Single-ended cascade of inverter stage comparator.
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Figure 5.5. Input inverter for a CMOS cascade comparator: (a) circuit diagram; (b) wave-
forms.

condition is quite insensitive to variations of the threshold voltages, as illustrated
by curve 1 (drawn for V5, = 0.7 V, Vg, = — 1.2 V) and curve 2 (for V7, = 1.2
V, Vrp = —0.7 V); the intersection point is in both cases near the middle of the
linear range. (See Problem 5.1 for a graphical identification of the linear range for
all three curves.)

Returning to the circuit of Fig. 5.5a, clearly during the time interval between ¢
= O and ¢ = 1), the capacitor C charges to voltage usp — 0 = v45, where y,p is the
intersection (self-bias) voltage illustrated in Fig. 5.6b. (There, for nominal threshold
voltages, v45 = 0.) Next, at 1;, &3 goes low. This results in nodes A and B being
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Figure 5.6. Bias conditions for the input inverter: (@) circuit diagram; (b) input—output dc
characteristics for various threshold voltages (see the text).
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disconnected. Also, part of the charge in the channel of S3 enters C; in addition,
through the gate-to-source overlap capacitance of S3, additional clock-feedthrough
charges enter C. The dimensions of C and S must be determined such that even
with the change in v, due to these charges, the @~ inverter should remain safely
in its linear range. Let the resulting node voltages at A and B be denoted by 1} and
13, respectively.

Next (at t = 1), S, opens. Now apart from the small stray capacitance C,, node
A is floating and hence v4 and up can drift to any value. However, since C is nearly
open circuited at A, there will be only minimal clock feedthrough into C due to the
cutoff of S,; also, this clock-feedthrough charge is stored in C, and will be returned
to C when S, closes. Hence this clock feedthrough has no significant effect.

Att = t3, &, goes high and C (charged earlier to v} during the ) <t =1,
interval) is connected between the input terminal and node A. Hence the node voltage
u, Now becomes v} = awu, + ¥}, where @ = C/(C + C,), and the voltage differ-
ence vl — / has the same sign as v,. The last statement holds regardiess of the
values of C4 and v, g, the magnitude of the clock feedthrough, and any other parasitic
effects. Thus, by monitoring the change vh — v} (which is the amplified version
of v — ), we can decide whether v, > 0 or v, < 0 holds.

A more complete diagram of a possible circuit is shown schematically in Fig.
5.7a, with the clock signals illustrated in Fig. 5.7b. The operation is as follows. As
explained above, by the end of the &3 pulse, C, is charged to a voltage 4 which
is suitable for biasing the Q,—Q, inverter in its linear range. If Q5 is matched to Q,
and Q, is matched to Q, the second inverter has the same bias point, and hence is
also biased in its linear range. (Note, however, that the clock-feedthrough voltage
due to the opening of S is amplified by Q, and Q and then connected to the gates
of Q5 and Q4; hence the second stage is more vulnerable to this effect). During this
time, the Qs—(Qy inverter is also biased in its linear range by Sy, and C; is precharged
to the corresponding bias voltage. S, opens only after S3 does, so that the output
voltage ¢ of the Qs—Qs inverter is not affected by the amplified clock-feedthrough
transient due to S;. It is affected, however, by the opening of S4. This transient can,
in turn, be rendered ineffective by C; and Ss. When S;s is closed, the latch is locked
in a self-biased balanced state. Thus, when S; opens, the voltage acquired by C;
would keep a perfectly symmetrical latch in an unstable balanced position. For the
latch to function, however, the enabling (‘‘strobe’”) signal ¢ must also go high.

By ¢ = 14, all precharging operations are complete. At this point, S is opened
and the input node A now floats. When next S, closes, up at the input of the latch
will rise (if v, < 0) or fall (if v, > 0) from its earlier balanced value. Hence, when
g rises, the latch will switch to the appropriate one of its two stable states.

Obviously, the system shown in Fig. 5.7 is only one example of the many different
possibilities. (It is, in fact, a CMOS equivalent of the circuit described in Ref. 3.)
Other circuits may contain only two inverter stages, use source followers as buffers
between the various stages, use capacitive coupling also between the first and second
stages, and 5o on. In most cases, however, biasing and auto-zeroing is accomplished
using the precharging operations illustrated in Fig. 5.7.

The speed of the cascaded inverter stages is limited by the RC time constants repre-
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Figure 5.7. CMOS cascade comparator: (a) circuit diagram; (b) clock signals.
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sented by the output resistance R, of the ith inverter and the input capacitance Cj, of
the next [i.e., (i + 1)st] inverter. The former is the parallel combination of the drain
resistance of the PMOS and NMOS devices in the ith stage; the latter can be approxi-
mated by the sum of the C,, values in the next stage, multiplied by (1 + |A;+,[) due
to the Miller effect. The dc gain A of the inverter is, of course, the sum of the transcon-
ductances divided by the sum of the drain conductances of the two devices in the stage.
Typical values are R, ~ 100 k{2, C;, ~ 1.5 pF, and A ~ 10.

5.3. DIFFERENTIAL COMPARATORS

The simplest form of a differential comparator is the uncompensated two-stage
transconductance op-amp shown in Fig. 5.8. Although removing the compensation
capacitor somewhat speeds up the comparator, the response time is still slow and
not adequate for many high-speed applications. As defined earlier, the response time,
or propagation delay, is the delay between the time the differential input passes the
comparator threshold voltage and the time the output exceeds the input logic level
of the subsequent stage. The propagation delay is worst when the input signal changes
from a large overdrive level to an opposite level that barely exceeds the threshold
voltage. The delay time is determined primarily by the maximum current available
to change the parasitic capacitances shown in Fig. 5.8. The capacitance Cp4 consists
of the junction capacitors and the gate-to-source capacitance Cgs of transistor Qs.
The capacitor Cpp is the combination of the junction capacitors and the gate-to-
source capacitances of transistors Q3 and Q. The response time is reduced by mini-
mizing the parasitic capacitances Cp4 and C,p while increasing the tail current of
the differential stage supplied by transistor Qp.

One of the main applications of the CMOS comparator is the switched-capacitor
comparator, which is one of the essential blocks of an A/D converter. Figure 5.9a
shows the principle of operation of the basic switched-capacitor comparator. During

T a

p—a \"nut

Figure 5.8. Op-amp comparator.
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Figure 5.9. (a) Switched-capacitor comparator; ( b) switched-capacitor comparator with para-
sitics.

the sample mode, switches S, and S, are closed while S is open. During the hold
and comparison mode, S; and S, are open and S; is closed. In the absence of any
nonideal effects, the voltage levels at the end of the hold period are

Uy = — Up,

(5.1)

Vout = —A (_vm} = Avvinv

where A, is the open-loop voltage gain of the comparator. The circuit of Fig. 5.9a
has several nonideal effects. One effect is the dc offset of the comparator, which
similar to the CMOS op-amp, is due to the mismatch between the input and load
devices of the differential stage. Another source of error is the clock-feedthrough
and channel charge-pumping effect of the reset switch S, which contribute a residual
offset charge to the holding capacitor. In Fig. 5.9b the comparator input offset voltage
is modeled as the voltage source V¢ that is placed in series to one of its inputs.
Also shown is the total parasitic capacitance from the inverting input to ground,
which is represented by capacitor C,. Thus for Fig. 5.9b the differential voltage at
the input of the comparator at the end of the hold period is

_ ___¢c AQ
vd_vx—vaff__C+CPvm+C+Cp Vor (52)

where A Q represents the total injected charge on the holding capacitor.
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Figure 5.10. Offset-canceled switched-capacitor comparator.
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An alternative circuit configuration that can provide offset cancellation is shown
in Fig. 5.10. In this figure the reset switch S, is moved between the comparator
inverting input and output. Then, during the sampling phase the capacitor C is
charged between the input voltage and the offset of the comparator. In the subsequent
hold and comparison phase, as before, switches S, and S, are open and S, is closed,
connecting the left side of capacitor C to ground. The voltage at the right side of
the capacitor C becomes

_c ., A0
c+c,™"C+¢,

+ Vosts (5.3)

U, = —

which results in the differential voltage at the input of the comparator given by

C AQ
w=u -V = e wmt e

(5.4)

which is independent of the comparator offset voltage. Although this technique
works well for removing the input offset voltage, the clock-feedthrough and channel
charge-pumping effects of the reset switch are not eliminated. As Eq. (5.4) shows,
the simplest way to reduce the errors due to the charge injection is to increase the
size of the sampling capacitor and reduce AQ by reducing the size of the reset
switch and by using CMOS transmission gate for first-order charge cancellation.
Making the size of the holding capacitor large while reducing the size of the reset
switch has the adverse effect of increasing the settling time constant of-the circuit.
For high-speed applications a compromise should be arrived between the sizes of
the holding capacitor and the reset switch. An alternative strategy to reduce the
clock-feedthrough effect is depicted in Fig. 5.11, where the reset switch is replaced
with @, a large device, in parallel to 0, a minimum-size device. At the end of the
sample phase, first 0, turns off while @, is still on. The charge injected by @, is
therefore absorbed by Q5. Subsequently, O, turns off and injects some charge to
the holding capacitor. The amount of the charge is minimized because the switch
has the smallest possible dimensions.
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Figure 5.11. Offset-canceled switched-capacitor comparator with reduced clock-feedthrough

effects.

The offset-canceling scheme of Fig. 5.10 can be used to sense the difference of
two voltages. This is shown in Fig. 5.12, where during the sample phase switches
S and S, are closed and the capacitor C is charged between the offset of the compara-
tor and the input voltage v,. During the comparison phase switches §, and §, are
opened and S; is closed, connecting the left side of the capacitor to the voltage
source v,. Thus, during the comparison phase the voltage at the right side of capacitor
C is given by

N {
T W% T YT ohC,

+ Vogr (5.5)

and the differential voltage at the input of the comparator is

A
= U — Vg = Up — Up + C -I-QCP , (5.6)

which is, like before, independent of the comparator offset voltage and has a dc
offset voltage AQ/(C + C,) due to the residual feedthrough charge.

In this method, since the comparator acts as a unity-gain amplifier during the
sample phase, it has to remain stable. A typical circuit is shown in Fig. 5.13. The
comparator illustrated is simply a two-stage amplifier with an RC compensating
branch Q. — C.. This branch is effective, however, only during ¢, = 1 half-period,
when C is charging through S, and S, and hence the comparator functions as an
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op-amp in a unity-feedback configuration. During ¢, = 1 interval, the amplifier
is in an open-loop configuration, and hence compensation (which slows down its
operation) is not needed.

As mentioned before, the offset-canceling comparator still suffers from the dc
offset voltage due to the residual feedthrough charge. An effective way for minimiz-
ing the errors due to the charge injection effects is the fully differential design
scheme, which is discussed later.

In the offset-canceled switched capacitor comparator of Fig. 5.10, when ¢, =
1, capacitor C is charged between the input voltage and the offset of the comparator.
At the instant that ¢, goes low, the input signal u;, is sampled and held on capacitor
C. In the subsequent comparison phase, ¢, goes high and the left side of the capacitor
is connected to ground, while the right side, in the absence of any offset voltage
and clock-feedthrough effect, becomes — w,. This circuit has the important advan-
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Figure 5.13. Op-amp offset-canceled switched-capacitor comparator with compensation ca-
pacitor disconnected during the comparison phase.
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tage that the input signal is sampled and held during the comparison phase, and the
comparator has the full period to determine the polarity of the input signal. One
shortcoming of this circuit is that during every offset-canceling phase, while the
right side of the capacitor is held at virtual ground, the left side is fully charged to
the magnitude of the input signal. As mentioned in an earlier discussion, a large
sampling capacitor should be used to minimize the residual offset voltage due to
the clock-feedthrough effect. A large sampling capacitor affects the settling time
and imposes stringent requirements on the charging capabilities of the input signal
source and the comparator output stage. Alternatively, as shown in Fig. 5.14, the
phasing of the switches connected to the left side of capacitor C can be interchanged.
In this case, during the phase that ¢, is high, the capacitor is charged between the
offset of the comparator and ground. In the next phase, when ¢, goes high, the right
side of the capacitor that is connected to the inverting input of the comparator is
disconnected from the output, and the left side of the capacitor is connected to the
input voltage. At this time, the voltage v, at the inverting input of the comparator
18

C
Uy = Un C + CP + Vuff (57)
and the voltage across the capacitor is
t= U~ o= Vorr — Yo P (58)
x in off nCo+ Cp . .

If C> C,, v, = vy + Vo, and v = Vi, the voltage across the capacitor C during
¢, and &, remains unchanged at V. This greatly relaxes the charging requirements
from the input voltage source and is specially suitable for high-speed applications.
On the other hand, the disadvantage of this approach is that the sample-and-hold
situation no longer exists at the input stage and the comparator inverting input
tracks the input signal. For proper operation, the comparator therefore has to make
a decision based on the instantaneous value of the input signal.
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Figure 5.15. (a) Gain block based on source-coupled differential pair with diode-connected
load devices; (b) gain-enhanced source-coupled differential pair.

It was mentioned earlier that the response time of the op-amp comparator shown
in Fig. 5.8 improves greatly as the input overdrive voltage is increased. A high-
resolution high-speed comparator can be realized by using a multistage approach,
where several high-speed low-gain differential amplifiers are cascaded followed by
a high-gain differential comparator or latch. Figure 5.15a shows a differential ampli-
fier that can be used as the input stage of a comparator. The differential gain of the
source coupled pair is given by

= T = U _ 4 (MWL),
A= U7 62

where p,, and ., are the mobility of the NMOS and PMOS devices. Equation (5.9)
shows the dependence of the differential gain on the square root of the device
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Figure 5.16. Source-coupled differential pair that
Vss uses positive feedback to provide increased gain.

dimensions. Higher-mobility NMOS transistors are used as input devices to achieve
higher gain. To increase the gain further, the circuit of Fig. 5.15b can be used where
the input transistor transconductance is increased by injecting currents /, and I, (/,
= [,) into them from the p-channel current source Qs and Qg [4,5]. The gain of
the modified circuit is now given by

A = bl W/L);
wp(W/L)s(1 — 2l/1y) -

(5.10)

A practical choice is I = 0.9,/2, which increases the gain by a factor of \/E

Another method that uses a controlled amount of positive feedback to effectively
increase the driver devices transconductance and hence the overall gain is shown
in Fig. 5.16 [1]. The gain of the positive feedback gain stage is given by

_ 4 [raWD); 1
A=\ e T —a (5.11)

where a = (W/L)s/(W/L); is the positive feedback factor that is responsible for
increasing the gain. A reasonable value for a is 0.75, which increases the gain by
a factor of 4. The value of a is determined by the ratio of the load device dimensions,
and although it is a reasonably well controlled parameter, a practical maximum value
for a is 0.9, because beyond that any mismatches due to process variations may
cause the value of a to approach unity, and per Eq. (5.15), the gain will become
infinity and the stage will operate as a cross-coupled latch.

The response times of the gain stages of Figs. 5.15 and 5.16 are limited by the
parasitic capacitances of the load devices. The response time of the source coupled
differential stage can improve significantly if the diode-connected loads are replaced
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with simple resistors, as shown in Fig. 5.17. The gain of the resistive load differential
stage is given by

Ag = gmiRe, (5.12)

where g,,; is the transconductance of the NMOS input devices and R; is the load
resistance. One drawback of this circuit is that the voltage drop across the load
resistors can vary significantly due to variations in the resistance or the magnitude
of the differential stage tail current. The variations of the output common-mode
voltage makes it difficult to design multistage amplifiers and bias the circuit to
operate under all process variations. One solution to this problem is to use a replica
biasing scheme. A schematic of the resistive load differential stage with a simple
Vpe-based bias generator is shown in Fig. 5.18. The bias current is given by

Ig = %E. (5.13)

Assuming that (W/L); = (W/L)s, the voltage drop across the load resistors is given
by

_ W ls
(W/L)s 2

_ W/L)io Vae Ry

= W) 2 Ry (5.14)

VRL

R

This generates a very reproducible fraction of Vg since it is determined by resistor
and transistor ratios. In addition to providing known bias voltage, the maximum
positive output swing of the differential stage is well controlled at a value of

I,
2

_ (W/L)yo R

_ Ry
AV, = 23 R = G Ve gt (5.15)
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Figure 5.18. Resistive-load source-coupled differential stage with replica biasing.

Note that to first order the stage output voltage swing is independent of Vpp. As
an example, if we assume that the bias resistance is Ry = 3500 (), the bias current

is given by

0.7
Iy = 3500 200 pA.

Using a value of k', = 55 wA/V? for the NMOS transconductance factor and a
threshold voltage of V5, = 0.8 V, then for (W/L),o/(W/L) ¢ = 2 and (W/L) {W/
L),; = 100, the transconductance of the input devices will be

Emi = 2\,l'k:,izif = 2.1 X 10~ mhos.

For R, = 5000 () the differential gain is given by
Ag = gmRy = 2.1 X 1073 X 5000 = 9.8
and the maximum output voltage swing is, from Eq. (5.15),

5000

3500 2V.

AV, =2 X 07 X

A three-stage direct-coupled comparator circuit comprised of two cascaded resistive
load and source-coupled differential stages followed by an op-amp comparator is
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Figure 5.19. Direct-coupled three-stage comparator circuit.

shown in Fig. 5.19. The overall gain of the first two stages for identical sections is
given by

Ag = (gmiRL)* (5.16)

So if each stage has a gain of 10, the overall gain is A; = 100, and a differential
input of 100 wV appears as a 10-mV signal at the input of the final stage. This
voltage is large enough to result in a fast response time in the last stage of the
comparator. Since the stages are direct coupled, the offset is not canceled. If Vg,
Voie2. and Vg represent the offset voltages of the first, second, and third stages,
the input referred dc offset voltage is given by

V. V.
Voir = Vorn + —5+ + —32° - (5.17)

Offset cancellation techniques for the multistage comparators will be introduced
later. '

5.4. REGENERATIVE COMPARATORS (SCHMITT TRIGGERS)

Often, comparators are used to convert a very slowly varying input signal into an
output with abrupt edges, or they are used in a noisy environment to detect an input
signal crossing a threshold level. If the response time of the comparator is much
faster than the variation of the input signal around the threshold level, the output
will chatter around the two stable levels as the input crosses the comparison voltage.
Figure 5.20a shows the input signal and the resulting comparator output. In this
situation, by employing positive (regenerative) feedback in the circuit, it will exhibit
a phenomenon called hysteresis, which will eliminate the chattering effects. The
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Figure 5.20. Response of a fast comparator to a slowly varying signal in a noisy environment:
(a) without hysteresis; (b) with hysteresis.

regenerative comparator is commonly referred to as a Schmitt trigger. The response
of the comparator with hysteresis to the input signal is shown in Fig. 5.205.

A Schmitt trigger can be implemented by using positive feedback in a differential
comparator, as shown in Fig. 5.21a. Assume that v; < vy, so that v, = V,; then v,
is given by

R,

v = Vp = Va-m, (518)

If »; is now increased, v, remains constant at V, until v; = ;. At this triggering
voltage, the output regeneratively switches to v, = — V, and remains at this value
as long as v; > v,. The voltage at the noninverting terminal of the comparator for
v; > vy is now given by

_y - R
w=Ve= g Ve (5.19)

If we now decrease v;, the output remains at v, = —V, until v; = v,. At this
voltage a regenerative transition takes place and the output returns to V,, almost
instantaneously. The complete transfer function is indicated in Fig. 5.21b. Note that
because of the hysteresis, the circuit triggers at a higher voltage for increasing than
for decreasing signals. Note that V,, < V,,, and the difference between these two
values is the hysteresis Vg given by

vy _y = 2RV,
V=V, Vo= g p (5.20)

Another method to eliminate the chattering effect around the zero crossing of the
input signal is to use the comparator with dynamic hysteresis shown in Fig. 5.22.
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Figure 5.21. (a) Schmitt trigger; (b) composite in-

put—output curve, (b)

Assume that v, < v;, so that v, = +V, and v, = 0. If 1, is now increased until
thy = 0, the output switches to v, = —V,. The negative transition of the output
will capacitively be coupled to the positive input of the comparator, which also
makes a negative transition. This will cause the differential input voltage between
the negative and positive inputs of the comparator to become larger and speed
up the output transition. Since the first transition at the output of the comparator
regeneratively increases the magnitude of the differential input signal, the comparator
responds to the first time the input crosses zero and ignores any subsequent zero
crossings due to noise. The RC time constant determines the length of the time that
the input signal will be ignored after its first zero crossing. If the time constant is
made too large, it will limit the maximum frequency that the circuit can operate.

Many other ways are available to accomplish hysteresis in a comparator. All of
them use some form of positive feedback. Earlier the source-coupled differential
pair of Fig. 5.16 was introduced where positive feedback was employed to increase
the gain [1]. The gain of the stage is given by Eq. (5.11), where a = (W/L)s/(W/
L) is the positive feedback factor. For a < 1 [(W/L)s < (W/L)3], the circuit behaves
as a gain stage. For a = 1 the stage becomes a positive feedback latch. For a >
1 the stage becomes a Schmitt trigger circuit with the amount of hysteresis deter-
mined by the value of «. Next, the trigger points and amount of hysteresis will be
calculated for the case when a > 1.
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Figure 5.22. (a) Comparator with dynamic hysteresis; (b) input and output waveforms.

Consider the circuit of Fig. 5.23, where v is connected to ground (or any
other reference potential) and the gate of Q> (v,) is connected to a negative
potential much less than zero. Thus Q, is off and @, is on and all the tail
current I, flows through Q; and Q3. The current through transistors @, (s, Us,
and Qg are zero and the node voltage v, is high while v,; is low. Next assume
that the input voltage u;, is gradually increased so that transistor (), begins
conducting and part of the tail current /, starts flowing through it. This process
continues until the current in transistor Q, equals the current in (5. Any increase
of the input voltage beyond this point will cause the comparator to switch state
so that Q; turns off and all the tail current flows through @,. At the switching
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point assume that the current through transistors Q, and @, are i} and i,
respectively. Then we have

i + i = I, (5.21)

C (WL)s . (W)
Is = I3 (WJ’I):; =1 (W}"IJ_; (5.22)

i =

or

L

= (5.23)
. L
I = 1 + o {524)

Now the gate-to-source (ugs) voltages of @, and Q, can be calculated from their
respective drain currents and are given by

vgsi = Vi + Vk'_“—_ﬁi’!f[a)l . (5.25)
vgs2 = Vm + \/ m:f—zfmz (5.26)

In the equations above, i, > ij, SO Ugs2 > vgs1 and since the gate of Q) is tied to
ground, the difference between vgs: and vgs is the positive trigger level, equal to

B h n
Vas+ =\ wewi, ~ V2w, - (527
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Using Eqgs. (5.23) and (5.24) and since (W/L), = (W/L),, Eq. (5.27) will be simpli-

fied to
- l
Viig+ = \/ \/E (5.28)

When the input voltage is increased beyond V; . , the comparator switches and v,
turns low and v,; goes high. Now transistor (J; is on and @, is off, and all the tail
current [, flows through @, and Q4. The currents in transistors (;, O3, Os, and Qg
are zero.

Next consider reducing the input voltage v, so that the current in Q, starts
decreasing and @, starts conducting. A similar argument can prove that the negative
trigger point occurs when i; = is. It can be shown that the negative trigger point

Vg is given by
I, 1- Va

EWD) \[T 5 o

Viig— = (5.29)

The hysteresis can be calculated as

[T Ve -1
Vg = Vtrig+ - Vl:l'ig— = k’(wm)l l o ’ (5.30)

where o = [(W/L)s/(W/L)3] = [(W/L)e/(W/L)4].

The complete schematic of a comparator with hysteresis, which consists of a
source-coupled differential pair with positive feedback, and a differential-to-single-
ended converter is shown in Fig. 5.24. For this circuit the value of o = [(W/L)s/
(W/L)3] = [(W/L)e/(W/L)4] is greater than 1 and the hysteresis is given by Eq.
5.30.

Voo
) i ;
I P
0 J— ay
/2 Ig/2
vin—_© A2 | vi, Vout
’]J v | " Io L[‘

Qg 'm—[lﬂn Q0

Vss

Figure 5.24. Complete schematic of a comparator with hysteresis.
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Figure 5.25. Fully differential input offset storage (I0S) comparator.

5.5. FULLY DIFFERENTIAL COMPARATORS

For high-accuracy applications an effective way for reducing the dc offset voltage
due to the feedthrough charge is to use a fully differential scheme for the comparators.
In such circuits, not only are clock-feedthrough effects reduced, but power supply
noise and 1/ noise also tend to cancel. An offset-canceling fully differential compar-
ator is shown in Fig. 5.25. In this scheme, during the offset cancellation mode,
switches S to S3 are on while switches §4 and Ss are off. This will cause a unity-
gain feedback loop to be established around the comparator and the two sampling
capacitors to be charged between ground and the offset voltage of the comparator.
During the tracking mode, switches S, to 53 turn off, breaking the feedback loop of
the comparator; S; and Ss turn on and connect the capacitors to the input signal.
The input differential voltage is amplified by the comparator and is sensed by the
latch, which provides a logic level at its output, representing the polarity of the
input differential voltage. If Vg4 and Vg, represent the input offset voltages of the
comparator and the latch, Qp and (, represent the feedthrough charges of switches
So and S, the residual input referred offset voltage is given by

V. - [{
Vo = l fmA + Qo - o " VA"L' (5.31)

From Eq. (5.31), if the charges injected by switches Sp and §; match while the
common-mode voltage will be slightly affected by an amount equal to (Qp + Q1)
2C, the differential input voltage, A Q/C = (Qp — ©,)/C will be zero. In practice,
the charge injected by the two switches will never match, but the residual offset
voltage due to the mismatches in the clock feedthrough will be an order of magnitude
less than in the single-ended case. For this reason most advanced integrated compara-
tors use fully differential design technique.

The offset compensation technique shown in Fig. 5.25 is known as the input
offset storage (10S) topology [4,5]. It is characterized by closing a unity-gain feed-
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Figure 5.26. Fully differential offset canceling comparator.

back loop around the comparator and storing the resulting offset voltage on the input
capacitors. In this configuration, since the input signal is capacitively coupled, it
has a wide mput dynamic range. Also, since during the cancellation phase, the
comparator is connected as a unity-gain amplifier, it recovers from the input over-
drive as well as starting the tracking phase in its active region, thereby improving
its response time. The disadvantage of this topology is evident from Eq. (5.31),
where it can be seen that to reduce the residual input offset voltage, the comparator
should have a high gain and a large value input capacitor should be used. A compara-
tor with high gain consumes more power and is harder to compensate for stable
operation during the offset cancellation phase. A large sampling capacitor increases
the settling time and hence degrades the response time of the comparator. It also
loads the preceding circuit and causes a large amount of transient noise.

Figure 5.26 shows a simple fully differential stage employing the input offset
storage topology [6, pp. 99—102]. In this circuit the two auto-zeroing capacitors C,
and C, are precharged during the ¢, interval between ground and v, where v, 1s
the self-biased input voltage of the amplifier. When ¢, goes high, the input voltage
v, is sensed by the comparator and an amplified differential voltage vgu — Uout
appears at the output. There is also a clock-feedthrough signal at each input node,
which appears as a common-mode signal and is hence suppressed. A high-gain (>80
dB) comparator, using a folded-cascode first stage followed by a cascode second
stage with a switched compensation capacitor is described in Ref. 7.

In high-resolution applications a single-stage high-gain offset-canceling compara-
tor such as the one shown in Fig. 5.26 will have a long response time. Therefore,
high-resolution comparators use a multistage design. Each stage of the multistage
design uses one of the low-gain amplifier stages shown in Figs. 5.15 to 5.17. A
three-stage fully differential input offset storage (10S) multistage comparator and
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the individual gain stage are shown in Fig. 5.27a and b, respectively [8]. The gain
stage is similar to the gain-enhanced amplifier stage described earlier and shown in
Fig. 5.15b. The two cascode transistors Q7 and Qg have been added to reduce the
Miller capacitance at the input. To recover from overdrive voltage and speed up the
settling time, the reset switch Qg is used to equalize the differential output of the
gain stage for a short period during the offset storage cycle. Each stage is capacitively
coupled to the next one, and by closing the feedback loop around each stage indepen-
dently, the possible instability problem of a three-stage amplifier with one feedback
loop around all three stages is eliminated. The circuit operates as follows. During
the offset storage mode, the feedback switches are closed, a unity-gain feedback
loop is established around each gain stage, and the offset of the comparators is stored
on the input capacitors. In the tracking mode the feedback around the comparators
is opened and the input differential voltage is sensed and amplified by A*, where A
is the voltage gain of each amplifier stage. The output of the comparator is strobed
by a latch that produces a logic level at its output. The mismatch between the channel
charge injected from the feedback switches introduces an uncanceled offset at the
input of each gain stage. The total input-referred dc offset voltage is dominated by
the offset of the first stage. It is possible to reduce this type of error by implementing
the sequential clocking scheme shown in Fig. 5.27¢, where the gain stages are
brought out of the offset cancellation mode sequentially, A, first and A, last [1,8].
When switches S, and S, are opened, Ag leaves the offset cancellation mode while
A, and A, remain in that mode. The offset voltages due to the charge injection
mismatches of S, and 5, on capacitors C, and C, are amplified by the first stage
and stored on capacitors C3 and C, before the other feedback switches are opened.
This can be repeated with switches §; and S, opening before S5 and S switches to
cancel its charge injection error. To ensure proper operation, the delay between the
clock edges shown in Fig. 5.27¢ should be long enough to allow the input capacitors
of the next stage to fully absorb the offset voltage of the previous stage.

An alternative offset cancellation technique is shown in Fig. 5.28 [4]. In this
method the offset is canceled by shorting the preamplifier inputs and storing the
amplifier offset on the output coupling capacitors. This topology, known as output
offset storage (OOS), operates as follows. During offset cancellation, switches Sq
to S5 are on, switches S; and Ss are off, and the output of the gain stage is AV,
where A is the gain of the amplifier. In this phase the amplified offset of the gain
stage is stored on C; and C,. During the tracking mode, S, to S, are off, S5 and S¢
are on, and the amplifier senses and amplifies the analog differential voltage. This
voltage is subsequently sensed and amplified by a latch which provides a logic level
at its output. In this comparator employing OOS, the residual offset is

Vorr = f,:—g + —VT’“. (5.32)

where Vorgg is the latch offset and AQ = Qp — @, is mismatch in charge injection
from switches S, and §, onto capacitors C; and C,. As suggested by Eq. (5.32), the
offset of the amplifier is canceled completely. This is evident from Fig. 5.28, where
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Figure 5.27. (a) Three-stage IOS comparator; (b) gain-enhanced amplifier stage; (¢) sequen-
tial clocking scheme.
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latch

Figure 5.28. Fully differential output offset storage (0OS) comparator.

during the cancellation mode the inputs of the amplifier and the latch are both zero;
hence a zero difference of the comparator input gives a zero difference at the latch
input. Also, as shown in Eq. (5.32), the offset due to the charge injection of the
switches is divided by the gain of the amplifier, resulting in a smaller overall input-
referred offset voltage compared to that of I0S, as evident from Eq. (5.31).

In addition to having a lower residual dc offset voltage, the OOS topology gener-
ally has a smaller input capacitance, which is limited to the input capacitance of the
amplifier, which can be maintained well below 100fF. The OOS topology is therefore
the preferred choice in applications where a low input capacitance is required, such
as a flash A/D converter, where many comparators are connected in parallel. One
drawback of the OOS topology is its limited-input common-mode range, which is
due to the dc coupling at its input. Another drawback is that during offset cancellation
mode, the amplifier in an OOS operates in open-loop mode and the input offset is
amplified by its gain. Therefore, a low-gain amplifier should be used to ensure
operations in the active region under maximum input dc offset voltage.

Typically, the comparator is followed by a standard CMOS latch with a potentially
large dc offset voltage. Therefore, to achieve a low input-referred offset voltage, as
suggested by Eq. (5.32), a high-gain amplifier should be used. Consequently, in
high-resolution applications, the use of a single-stage comparator is not feasible,
and similar to the IOS topology, a multistage calibration technique will be required.
Figure 5.29a illustrates a three-stage OOS comparator where each stage can be
constructed from one of the low-gain amplifier stages shown in Figs. 5.15 to 5.17.
A sequential clocking scheme such as the one shown in Fig. 5.29b will then reduce
the dc offset due to the clock feedthrough. If Vogg, represents the offset of the latch,
the number of amplifier stages n, and the corresponding gain A, should be selected
such that the input-referred offset voltage is less than 0.5LSB, or

VorrL
——= < ().5LSB. 5.33

After the value of the required gain (A)" is determined, the number of the stages is
selected to provide the smallest delay [8].
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Figure 5.29. (a) Three-stage OOS comparator; (b) sequential clocking scheme.

The multistage calibration technique is an effective method to reduce the contribu-
tion of the latch offset to the overall residual input-referred dc offset voltage. An
alternative method to improve the performance of a fully differential comparator is
to apply the offset cancellation to both the gain stage and the latch [4]. By canceling
the offset of the latch, it will not be necessary to use multistage low-gain amplifiers,
and high performance can be achieved by using a single low-gain amplifier that is
optimized for both speed and power dissipation.

The simplified block diagram of a CMOS comparator that applies offset cancella-
tion to both the amplifier and the latch is shown in Fig. 5.30. It consists of two
transconductance amplifiers, G,,; and G,,,, that share the same output nodes, load
resistors, and offset storage capacitors. In this circuit B; and B, are buffers that
isolate the common output nodes from the feedback capacitors. The operation of
the circuit is as follows. During the offset cancellation mode, §, to S are on, S5 to
10 are off, the inputs of G,,; and G,,, are grounded, and their offsets are amplified
and stored on capacitors C, and C,. During the comparison mode, S, to Ss turn off,
§7 to S, turn on, the capacitors are connected in the feedback loop of G,,;, the
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$7,58, 54,55 on

4 ' S1, S2, 53, S6. S9, S10 off
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S7-S10 off
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% | S1-S6 off

Figure 5.30. CMOS comparator block diagram and timing.

inputs of G,,, are released from ground, and the input voltage is sensed. The input
voltage is amplified by G, to establish an imbalance in output nodes A and B
which is coupled to the inputs of G, through C, and C,, initiating regeneration
around G,,;. This calibration method can be viewed as an output offset storage
applied to both the amplifier G,,; and the latch G,,;, resulting in complete cancella-
tion of their offsets.

A CMOS comparator based on the topology of Fig. 5.30 is shown in Fig. 5.31.
In this circuit the source-coupled pairs Q,—Q; and Q3—Q, constitute amplifiers G,
and G, respectively. The loads are formed from the diode-connected transistors
Qs and Qg and gain enhancement devices Q7 and Q. The output common-mode
voltage is set by transistors Q5 and Q. The source followers Qo and Qo serve as
buffers B, and B, in Fig. 5.30. As described earlier and shown in Fig. 5.15a, the
additional current sources, Q; and (g, increase the gain and decrease the voltage
drop across Qs and Q. Normally, the gates of Q7 and Qg would be connected to a
fixed bias voltage. However, by connecting the gates to the inputs of the differential
stage, the push-pull operation of Q; with Q; and @, with Oy improves the charge
and discharge response times of nodes A and B in the following way: When, for
example, node F goes low and node E goes high, the current in Qg is increased,
thereby pulling node B more quickly to a higher voltage. The current in Q5 is
reduced, thus allowing Q3 to discharge node A to a lower voltage much faster.

In this circuit, during the calibration mode, S, to Sg are on, §; to ;o are off, and
the combined offset voltages of G,,; and G,,; are stored on capacitors C; and C;.
During the comparison mode the comparators are connected in the feedback loops
of G, and the input voltage is sensed by G,,;. Any differential input voltage will



5.6. LATCHES 205

[ Q10

Figure 5.31. CMOS comparator circuit diagram.

off-balance the currents of the differential pair Q,—Q,, which reflects into a differen-
tial voltage at nodes A and B. This voltage is regeneratively coupled to the inputs
of G, through capacitors C, and Cs, causing the outputs to switch. Since the compar-
ator of Fig. 5.31 includes calibration of both the amplifier and the latch, its residual
offset is due primarily to mismatches in the charge injection of switches S; to S,
Sg, and § 10-

The differential output voltage swing of the comparator is normally on the order
of 1 to 2 V. The comparator can be followed by a latch or a nonregenerative amplifier
such as the one shown in Fig. 5.32 to develop full CMOS levels from the differential
output. The bias circuit consisting of transistor Q15— and current source /, repli-
cates the X and Y common-mode voltage at the source of Q,7 and generate pull-
up currents in Q;3 and 0,4 that, during reset, are equal to pull-down currents in @,
and Q,; if their gates are driven from X and Y.

5.6. LATCHES

As mentioned earlier, to provide the gain needed to generate logic levels at the
output, as well as synchronize the operation of the comparator with other parts of
a system, the amplifier of the comparator is usually followed by a latch. The latter
can simply be a cross-coupled bistable multivibrator. Some possible latch circuits
are shown in Figs. 5.33 to 5.35. The circuit of Fig. 5.33 is a dynamic CMOS latch
[9] used to amplify small differences to CMOS levels. In this circuit, when ¢ is
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Figure 5.32. CMOS comparator output stage.

low, Qs is off, §; and S, are on, and the input capacitances are precharged to vy,
and vn;. Subsequently, when & goes high it turns off §; and S, to 1solate nodes X
and Y from the input terminals and turns on Qs to initiate regeneration, and the
latch assumes one of its stable states, depending on the sign of v, — Uin2.

The latch of Fig. 5.34 also includes self-biasing and auto-zeroing circuitry [6,
pp. 99-102]. The operation is as follows. When &, goes high, S4 and §s short circuit
the gates and drains of O, and Q5, respectively. This action biases the two inverters
0,-0Qs and Q1-Qs (which form the multivibrator) in their linear regions. It also
precharges the capacitors C; and C, such that any asymmetry between the two
inverters is compensated for by the slightly different bias voltages provided by C;

Yoo
Q35I [0
Vo1 >< . . Vo2
Vim ! X . 52— Vinz
o] >< .02
@

'L%

Figure 5.33. Dynamic CMOS latch.
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(b)
Figure 5.34. (continued)

and C4. During this time the multivibrator has a loop gain less than 1, and hence it
does not switch into either one of its stable states. Next, when ¢; and &3 go high,
S, and S, precharge C; to v; — us, while S and S7 precharge C; to v — vp.
Next, ¢; goes low and the input devices @, and Q, are released from their self-
biased states, leaving C; and C; floating. Then &5 goes low and &3 high; v4 now
changes by v — v, while v changes by v, — v, from the self-biased values.
This also causes corresponding changes in v and vp inside the multivibrator. When
¢, finally goes low, unleashing the multivibrator, the voltage differences between
v, and vp as well as vc and vp cause it to go to the appropriate stable state; v will
be high and vp low if v < vy holds, or ue low and up high if vy > u, is valid.

The sequence in which the various clock phases rise and fall is important for
proper operation of this latch circuit (as it is for almost any other). The reader is
urged to analyze the operation if (say) ¢, goes low before ¢ goes high, and so on,
to convince himself or herself of the validity of this statement.

Yet another latch [10] is shown in Fig. 5.35. In this circuit, transistors Q;, (5,
03, Q4, and Q; act as a differential preamplifier when Ss is closed. On the other
hand, when S is closed, O3, Q4. Os, Qs, and @5 form a bistable multivibrator. When
&1, &», and §; are high, the preamplifier is self-biased and C; and C; are precharged
to v, — us and v — wvg, respectively. Then &, goes low, allowing the amplifier
to function and leaving C, and C, floating at nodes A and B. Next, the bottom
terminals of C, and C, are switched to v; and w,, respectively; this causes an
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Figure 5.35. Preamplifier—latch combination: (a) circuit diagram; (b) clock signals.
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Figure 5.36. Direct-coupled multivibrator: (a) circuit diagram; (b) small-signal equivalent
circuit.

amplified voltage difference between nodes C and D. At this point, S5 slowly opens
and Sg slowly closes. This causes the multivibrator to come to life and to assume
one of its stable states. The state chosen is determined by the sign of vc — vp.

Even if the amplifier and the latch are built from the same types of inverters, the
rise and fall times of the amplifier will be much longer than those of the latch. To
understand this phenomenon, consider the simple multivibrator of Fig. 5.36q. Its
small-signal equivalent circuit with all devices in the saturation region is shown in
Fig. 5.36b, where g, = gm1 + 8m3 = 8m2 + §ma A g4 = g1 + 83 = 82 +
gaa; also, C is the capacitance loading nodes A and B. It can easily be shown
(Problem 5.12) that the natural modes (poles) of the circuit of Fig. 5.36 are 5,5, =
+ g,,/C. Hence its transients are exponential functions with a time constant v = C/
g In the absence of positive feedback, if the inverters Q,~Q5 and (-4 are simply
cascaded as in an amplifier, the time constant is ¥ = C/g,. The ratio of the time
constants is T/7 = gu/g. = l/A, where A is the gain of the inverter [11]. Since
typically, A = 10, the latch can be about an order of magnitude faster than the
amplifier driving it. It is possible to take advantage of the speed of the latch by
using two amplifiers to feed a single latch (Fig. 5.37a). In this system [12], the two
amplifiers have the same configuration as the two input stages in the circuit of Fig.
5.7a. They alternate in auto-zeroing and amplifying, but the amplifying periods have
a duty cycle longer than 50% (Fig. 5.37b), so that the input of the latch can receive
a continuous-time input signal. To assure this, the intervals during which the switches
S, and Sg connect the amplifiers to the latch overlap. Thus the latch clock frequency
(which is the effective overall clock frequency of the comparator) can be different
from the amplifier clock rates. This system can thus operate about 10 times faster
than the usual single-amplifier version, since the limiting factor is now the speed
of the latch, not that of the amplifier.
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Figure 5.38. Reduction of input offset voltage by capacitive storage for a multistage compara-
tor (for Problem 5.5).

PROBLEMS

5.1.

For the inverter of Fig. 5.6a with the input—output characteristics shown in
Fig. 5.6b, prove that the limits of the linear range (where Q, and Q; are both
in saturation) are the intersections of the characteristics with the 45° lines vg
= 4 + |V and vy = v4 — Vy,,. Draw these lines for the curves of Fig.
5.6b, and identify the linear ranges.

5.2. The circuit of Fig. 5.7a is to be fabricated using a CMOS process with the

5.3.

54.

5.5,

5.6.
5.7.

5.8.

following parameters: Vy, = —Vp, = 1V, p, = 3, = 670 cm?/V's, toy
= 800 A, A, = 0.012 V™', and A\, = 0.02 V™', Design the input inverter
such that for vy = 0V, vyg = 0 Vand ip, = ip; = 50 pA. How much is
the gain of the stage? (Hint: Use the formulas of Tables 2.2 and 2.3.)

In the circuit of Fig. 5.7a, the clock-feedthrough capacitance between the gate
of §; and node A is 15fF. The clock voltage is 10 V peak to peak. How large
must C, be if the first two inverters (Q,-Q, and @,—0,) are to operate with
all devices in saturation, despite the clock-feedthrough voltage at node A?
Assume the W and L values obtained in Problem 5.2 for the two input inverters.

Show that the differential voltage at the input of the comparator of Fig. 5.9
at the end of the hold period is given by Eq. (5.2).

Calculate the effective input offset voltage of the auto-zeroed comparator of
Fig. 5.38 from the individual gains and offset voltages of its two stages A,
and A,. Assume that the clock-feedthrough charge is A Q and the input capaci-
tance of the first stage is C,.

Prove Eq. (5.10) for the comparator of Fig. 5.15b.

For the source-coupled differential stage of Fig. 5.18, determine the values
of Rp and R,, the aspect ratios of Qs—Q7 and Qs—()o and the dimensions of
Q11 and Q;, such that the differential gain becomes 16. (Assume that k', =
55 mA/V? and Vp,, = 0.8 V)

Prove Eq. (5.17) for the three-stage comparator circuit of Fig. 5.19.
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Select values for R, and R; so that the comparator of Fig. 5.21a has =30 mV
hysteresis. (Assume that Vpp = 5V and Vgg = —5V)

For the circuit of Fig. 5.24, if W, = W, = 50 pm, L, = L, = 2 um, and
the tail current I, = 100 pA, calculate o from Eqgs. (5.28) and (5.29) such
that Vi, = Vi = 30 mV.

Prove Eq. (5.31) for the circuit of Fig. 5.25.

For the multivibrator of Fig. 5.36a: (a) derive the small-signal equivalent
circuit of Fig. 5.36b; (b) using Laplace transform analysis, find the natural
modes of the circuit; and (c) find the natural modes for the case when the two
inverters (Q,—Q; and Q»,—Q,) are cascaded without closed-loop feedback. (d)
What conclusions can be drawn from the relative magnitudes of the natural
modes of the two circuits?
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CHAPTER 6

DIGITAL-TO-ANALOG CONVERTERS

The analog-to-digital (A/D) and digital-to-analog (D/A) converters are the main link
between the analog signals and the digital world of signal processing. Data converters
are generally divided into the two broad categories of Nyquist-rate and oversampling
converters. Nyquist-rate converters are converters that operate at 1.5 to 5 times the
Nyquist rate (i.e., a sample rate of 3 to 10 times the signal’s bandwidth), and each
input signal is uniquely represented by an output signal. Conversely, oversampling
or delta-sigma converters operate at sampling rates that are much higher than the
input signal’s Nyquist rate and increase the output signal-to-noise ratio by subsequent
filtering that removes the out-of-band quantization noise. The ratio of the sampling
rate to the Nyquist rate is called the oversampling ratio. For most practical delta-
sigma converters, the oversampling ratio is typically between 16 and 256.

A Nyquist-rate digital-to-analog converter (DAC) is a device that converts a
digital input signal (or code) to an analog output voltage (or current) that is propor-
tional to the digital signal. In this and the following chapters a variety of methods
are presented for realizing Nyquist-rate converters. Oversampling converters are not
discussed in this book; the interested reader is referred to Ref. 20 for an in-depth
coverage of this subject. The chapter begins with a general introduction and charac-
terization of the converters, followed by a discussion of voltage, charge, current,
and hybrid-mode D/A converters.

6.1. DIGITAL-TO-ANALOG CONVERSION: BASIC PRINCIPLES

The block diagram of a D/A converter is shown in Fig. 6.1. The inputs are a reference
voltage V,.r and an N-bit digital word b b; bs -+ by. Under ideal conditions, in the

214
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Vref
Bn N D/A
v,
— > co ; S Vout

Figure 6.1. Block diagram of a digital-to-analog converter.

absence of noise and any imperfections, the D/A converter voltage output can be
expressed as

Vo = (b127 1 4+ b2 + o + b, 27NV, 6.1

where N is the number of the bits of the input digital word. For an N-bit D/A
converter the resolution is 2% and is equal to the number of discrete analog output
levels corresponding to the various input digital codes. If Vs represents the input
reference voltage, the smallest analog output corresponding to one least significant
bit (LSB) is

Vise = Veer2™". (6.2)

For bipolar analog outputs, the digital input code retains the sign information in
one extra bit—the sign bit—in the most significant bir (MSB) position. The most
commonly used binary codes in bipolar conversion are sign magnitude, one’s com-
plement, offset binary, and two’s complement. Table 6.1 shows each of the bipolar
codes for a 4-bit (3-bit plus sign) digital word. The word length N determines the
range of the numbers associated with each of the four binary representation systems.
In all four notations, the largest positive number is given by 1 — 27¥~ ! in decimal.
For sign-magnitude and one’s complement numbers, the lower bound is —[1 —
2~ %=1 while in two’s complement and offset binary the most negative number
is — 1. All four number systems have unique representations for all numbers except
for the zero in sign-magnitude or one’s complement notations. Positive and negative
zeros have different representations in these two number systems. For two’s comple-
ment and offset binary notations there is a unique zero representation,

The most useful way of indicating the relationship between analog and digital quan-
tities involved in a conversion is the input—output transfer characteristic. Figure 6.2
shows the transfer characteristic for an ideal 3-bit unipolar D/A converter that is made
up of 23 distinct output levels. In practical D/A converters the ideal transfer characteris-
tic of Fig. 6.2 cannot be achieved. The types of errors or deviations from this ideal
condition are graphically illustrated in Fig. 6.3. The offset error is illustrated in Fig.
6.3a and is defined as the deviation of the actual output from the ideal output when the
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TABLE 6.1. Commonly Used Bipolar Codes

DIGITAL-TO-ANALOG CONVERTERS

Decimal Sign One’s Offset Two's
Number Fraction Magnitude Complement Binary Complement
+7 % 0111 0111 1111 0111
+6 3 0110 0110 1110 0110
+5 3 0101 0101 1101 0101
+4 g 0100 0100 1100 0100
+3 ; 0011 0011 1011 0011
+2 i 0010 0010 1010 0010
+1 3 0001 0001 1001 0001
0 0, 0000 0000 1000 0000
0 0_ 1000 1111 1000 0000
-1 —% 1001 1110 0111 1111
-2 —3 1010 1101 0110 1110
-3 —3 1011 1100 0101 1101
—4 —% 1100 1011 0100 1100
-5 —§ 1101 1010 0011 1011
-6 —g 1110 1001 0010 1010
-7 —3 1111 1000 0001 1001
~8 -3 0000 1000
A normalized
analog output
78 4———— e
|
3/4 :
1 LSB L
5/8 I i i
ideal i I
[ P I
3/8 4 \., T R
! i | | |
| ! I | |
1/4 . ] | | I |
] ] I | | ]
| ] ] | | 1
1781 T R
i | | | | I |
0 ! ! ! ' | ! i
$ + $ $ + 1 + =
000 001 010 011 100 101 110 111 digital
input code

Figure 6.2. Ideal conversion relationship in a 3-bit D/A converter.
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Figure 6.3. Graphic illustration of various errors present in a D/A converter: (a) offset error;
(b) gain error. (Figure continued)
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1LSB+DNL

digital
(e) input code

Figure 6.3. (¢) differential nonlinearity, integral nonlinearity, and nonmonotonic re-
sponse.

ideal output should be zero. The gain error is the change in the slope of the transfer
characteristic and is shown in Fig. 6.3b. The gain error is due to the inaccuracy of the
scale factor or the reference voltage. The linearity is a measure of the nonlinearity error
at the output, after the offset and gain errors have been removed. There are two types
of nonlinearity errors. Integral nonlinearity (INL) is defined as the worst-case devia-
tion of the transfer characteristic from an ideal straight line between zero and full scale
(i.e., the endpoints of the transfer characteristic). The differential nonlinearity (DNL)
is the maximum deviation of each output step size of 1 LSB. It is a measure of the
nonuniform step sizes between adjacent transitions and is normally specified as a frac-
tion of LSB. The integral and differential nonlinearities are shown in Fig. 6.3c. Unlike
the offset and gain errors, the nonlinearity errors cannot be corrected by simple trim-
ming and they can only be minimized by improving the matching of the precision
components of the D/A converters (i.e., resistors or capacitors). Finally, monotonicity
in a D/A converter implies that the analog output always increases as the digital input
code increases. Nonmonotonicity is due to excessive differential nonlinearity. Guaran-
teed monotonicity implies that the maximum differential nonlinearity is less than one
LSB. Nonmonotonicity is illustrated in Fig. 6.3c, where the analog output decreases
at some points in its dynamic range while the input code is increasing.

6.2. VOLTAGE-MODE D/A CONVERTER STAGES

An important, yet simple class of D/A converters is based on the accurate scaling
of a reference voltage V.. Voltage scaling can be achieved by connecting a series
of N equal segments of resistors between V¢ and ground. For an N-bit converter
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the resistor string consists of 2" segments. The string of resistors behave as a voltage
divider and the voltage across each segment is one LSB, given by

Ve
Vy = ?” (6.3)

An N-bit D/A converter can be realized by using a string of 2" resistors and a switch-
ing matrix implement with MOS switches [1]. The D/A conversion technique is illus-
trated with a conceptual 3-bit version of the unipolar converter shown in Fig. 6.4. Here
the switch matrix is connected in a treelike manner, which eliminates the need for a
digital decoder. For an N-bit converter, 2V*! — 2 switches are needed. As illustrated
in Fig. 6.4, the voltage selected propagates through N levels of switches before getting

Vref

bz by by
bg is LSB

by is MSB

Figure 6.4. Three-bit unipolar resistive DAC with 23 resistors and transmission gate tree
decoder.
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Figure 6.5. Three-bit unipolar resistive DAC with 2 resistors and digital decoder.

to the buffer amplifier. The buffer is necessary to provide a low-impedance output to
the external load. Assuming that the buffer’s dc offset voltage does not vary with its
input common-mode voltage, the D/A technique has guaranteed monotonicity and can
be used for converters up to 10-bit resolution. As the number of the bits increases, the
delay through the switch network imposes a major limitation on the speed. The output
impedance of the resistor string also varies, as a function of the closed switch position
in the network. Also, the delay through the resistor string may become a major source
of delay.

For high-speed applications the tree decoder is replaced with a digital decoder.
One such 3-bit DAC is shown in Fig. 6.5. The logic circuit is an N-to-2" decoder
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that can take a large area. The common node of all switches is directly connected
to the buffer amplifier. The 2 junctions of the transistors have a large area and
result in a large capacitive load. The voltage selected propagates through one switch;
hence, despite the larger capacitive load, the DAC output can achieve higher-speed
operation.

A more efficient implementation of a 5-bit resistor DAC is shown in Fig. 6.6, This
method, known as the intermeshed ladder architecture, uses a two-level row—column
decoding scheme similar to one used in digital memory [2-4]. The N-to-2" decoding
is achieved by splitting N to Ny + N, = N and realizing it as the combination of

b0 b1 b2 by by
3 to 1 of 8 column decoder 2to10of4
Vref row decoder

! AAM
Ry

c ._’E‘ %N\j_/vw\i%
=

Figure 6.6. Five-bit intermeshed-ladder architecture resistive DAC.
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an N,-to-2": row and N,-to-2™: column decoders. For a given digital code, one of
the 2™ columns is selected, all transistor switches in that column are turned on, and
the 2V resistor nodes are connected to 2" rows. The row decoder selects one of
the 2"1 rows and connects it to the input of the buffer amplifier.

This approach uses 2"' subsegments, each consisting of 22 resistor segments.
For large N the number of the resistors, 2", grows exponentially and the impedance
of the resistor array becomes very large. The output impedance also varies as a
function of the position of the closed switch in the network. To reduce the impedance
of the array and hence its settling time, a coarse array is placed in parallel to the
fine one. The coarse array consists of 2"t (N, is the number of the rows) resistors
and is denoted by R, in Fig. 6.6. The coarse array in this way determines 2" accurate
voltages and determines the value corresponding to the Ny MSBs. In this arrangement
the 2" resistor subsegments each consist of 2M: segments, and the endpoints of the
subsegments are connected to the 2V coarse resistors. If the coarse resistors are
represented by R, and the resistors in the subsegment by Ry, the total resistance of
the array is given by

Rumay = 2V (R, || 2™ R)). (6.4)

As a result of this modification, the worst-case output resistance of the array seen
by the buffer is reduced to R,.y/4.

For high-resolution applications the resistor string DAC suffers from several
drawbacks: The number of the resistors and switches grows exponentially and it
exhibits a long delay at the output. Hence the resistive DACs of Figs. 6.4 to 6.6 are
not practical when the number of the bits grows beyond 10. To take advantage of
the inherent monotonicity of the voltage-division DAC while keeping the number
of resistors to a manageable level, it is possible to use a two-stage DAC such as the
one shown in Fig. 6.7 [5]. As the figure shows, the 6-bit DAC consists of two resistor
strings each having eight segments. The coarse resistor string is connected between
Vier and ground. Two operational amplifiers connected as voltage followers buffer
consecutive voltages of the coarse DAC. The fine resistor string is connected between
the two outputs of the followers. The monotonocity of the two-stage DAC cannot
be guaranteed, due to the offset voltage of the unity-gain buffers. A special sequence
can be used to operate the coarse array switches to make the operation of the DAC
independent of the buffer offset voltages. To understand this, consider a portion of
the coarse array shown in Fig. 6.8. This figure corresponds to the ith code of the
coarse bits, where buffer 1 is connected to segment voltage V; and buffer 2 to segment
voltage V;_;. The output of the buffers will be (V;); = V; — Vo, and (V3); =
Vi_1 — Vo, where Vg and Vi, are the corresponding offset voltages of the first
and second op-amps. For the next sequential code, if node A moves to V;, and
node B to V;, the buffer outputs will be (V);+1 = Viiy1 — Vo and (Vo) = V;
~ V2. For monotonic operation it is necessary for (V,);+1 = (V));; otherwise,
the consecutive coarse output voltages will not be continuous. This is possible only
if Vosg = Vo Of Vi = Vi = 0, which cannot be guaranteed in practice.
Alternatively, for the sequential code, node A can be kept at V; and node B switched
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Figure 6.7. Two-stage 6-bit resistor divider DAC.



224 DIGITAL-TO-ANALOG CONVERTERS

= =
.
®
-
(%
\/I_I
=

fine
array

n
LA A&
<
E
]

(@
o
\/
5

Vi-1

Yyy

'

Figure 6.8. Portion of the coarse resistor segment.

to V; .. This choice guarantees a continuous output from the coarse array and hence
monotonic operation for the DAC. However, since the top and bottom of the fine
resistor string switches for consecutive codes, the decoding and switching of the
fine DAC should be modified accordingly. Figure 6.9 shows the complete circuit
diagram of the 6-bit DAC, which includes the switching details of the coarse and
fine DACs. As the figure shows, for an N-bit DAC, the converter functions by
applying voltage V.. to the top of the coarse resistor array and dividing it to 2"
nominally equal voltage segments. For a given code, buffer A, transfers the voltage
at the ith tap to the top of the fine string, while A, applies the voltage at tap i — 1
to the bottom of fine string. The A; output results from linearly interpolating the
voltage drop between taps i and i — 1, weighted by the N/2 lower bits of the N-bit
input digital word. For the next coarse digital code, the polarity of the voltage across
the fine resistor string is reversed. This reversal occurs at every other adjacent resistor
segment and is corrected in the second stage by alternating between two switch
arrays. The least significant bit of the digital input code of the coarse DAC makes
this selection. This bit selects between the odd and even segments, which allows
the analog output of the coarse divider to have a continuous output voltage indepen-
dent of the offset of the two voltage followers. By using this method it is possible
to obtain a 16-bit DAC which has a guaranteed monotonicity without the need for
a straight 2'%-segment resistor divider.

For an N-bit DAC, the circuit of Fig. 6.9 uses two 2"?-segment resistor strings,
two N/2-to-2"? decoders, and four sets of switching elements. Alternatively, the
two-stage DAC can be implemented using a single 2V segment resistor string, two
sets of switching elements, and two N/2-to-2™? decoders. A 6-bit version of such
a DAC is shown in Fig. 6.10. Here the two inputs of the A; and A, buffers are
independently switched to the taps of the eight-segment resistor string. The three
MSBs of the input digital word are decoded to eight lines that control the connection
of A, to the taps of the resistor string. The next three LSBs control the connection
of A, to the resistor string in a similar fashion. A nine-segment resistor string is
placed between the outputs of A, and A;. Tap 8, from the bottom of the string, is
buffered by A; and brought out as the output of the DAC. From Fig. 6.10, V, and
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bs bs bg bz by bo
Figure 6.9. Detailed circuit diagram of two-stage monotonic voltage-divider DAC.
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Figure 6.10. Alternative form of 6-bit unipolar two-stage resistive-divider DAC.
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V, are the outputs of two independently controlled 3-bit DACs. One converts the
three MSBs and the other the three LSBs of the input digital word to analog voltages.
Ignoring the dc offset voltages of the three op-amps, vy can be calculated as

8
+ §(V1 - Va)

or

3 1 8 8 1
Uom=§Vg+§Vz=§'V|+§X§V2.
so that
8 1
Yow = g (V. + 3 Vz). (6.5)

Ignoring the factor %, the relationship inside the parentheses represents the output
of a 6-bit segmented DAC. If the effect of the op-amp offsets is included in the
calculations, Eq. (6.5) will be modified in the following way:

8 1 8 V.
Yow = g (V| + g Vz) ~ 9 (Vofn + OTM) + Vorns- (6.6)

As Eq. (6.6) shows, the dc offset of the op-amps appears as a constant dc voltage
at the output without interfering with the DAC operation. Therefore, if the op-
amp offset voltages do not change with the common-mode voltage, this structure
is inherently monotonic and the complex switching scheme of the DAC shown in
Fig. 6.9 will not be necessary. The only disadvantage of this scheme is the 5 attenua-
tion factor for the 6-bit DAC. For an N-bit DAC, if we split the input code into two
N/2 bits (N is even) segments, the output relationship will be given by

M2 |
Yo = 582 3 1 V;+§mV2. (6.7)

As an example for a 16-bit DAC, N = 16 and we have

256 1
Yout = 25? (Vl 256 VZ)‘ (6'8)

The first stage will be an 8-bit DAC followed by two buffer amplifiers with a 257-
segment resistor string connected between their outputs. The final 16-bit DAC output
will be taken from tap 256 of the second-stage resistor string. The 256/257 attenua-
tion can be ignored or compensated by modifying the reference voltage, Vrer, Which
is connected to the top of the first-stage resistor string.
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Figure 6.11. Offset-compensated switched-capacitor sample-and-hold circuit.

The DACs described so far in this section all use unity-gain buffers to isolate
the resistor string from the external load. The unity-gain buffer has several disadvan-
tages. For high-resolution DACs, the op-amp should have a large common-mode-
rejection ratio (CMRR) to maintain the accuracy over the entire input common-
mode range. Also, for low-voltage operation, complex op-amps with rail-to-rail input
stage should be used to facilitate operation over the wide input range. For bipolar
outputs, the bottom of the resistor string will be connected to a negative reference.
The absolute values of the positive and negative reference voltages should match
closely. Any mismatch will introduce an offset and linearity error.

An alternative to the unity-gain buffer is the offset-compensated switched-capaci-
tor sample-and-hold stage shown in Fig. 6.11, where ¢, and ¢, are nonoverlapping
two-phase clocks [6]. When &, is high, capacitor C will be charged between the
output of the DAC and the op-amp offset voltage and acquires the voltage v, —
Vorr, where v, = Vg,c. When ¢, goes high, the output becomes Vpac — Vi +
Vott = Vpac, which is independent of the op-amp offset voltage.

It is also possible to use the switched-capacitor gain stage shown in Fig. 6.12a
as a buffer [7,8]. In this circuit, when ¢; = *‘1,”’ the op-amp has its inverting input
terminal shorted to its output node and hence performs as a unity-gain voltage
follower with output voltage ¥, Hence capacitor aC recharges to Vi — v,, while
C changes to V. When next ¢, goes high, aC recharges to V, and C to Vg5 —
Uou- If the time when this happens is + = NT, by charge conservation at node A,

aC {Vosr — [Votr — v (0T — T/2)]}
+ C{[Vott — Uou (D] — Vor} = 0.

(6.9)

In this equation, V¢ terms cancel out and v,y (nT) = au, (nT — T72) results.
Thus a positive gain of « and a delay 7/2 are provided by the stage, and the output
offset voltage is V,, = 0. Note also that the circuits of Figs. 6.11 and 6.12 are fully
stray insensitive.

By interchanging the clock phases at the input terminals, an inverting voltage
amplifier can also be obtained (Fig. 6.13). By an analysis similar to that performed



6.2. VOLTAGE-MODE D/A CONVERTER STAGES 229

%
%
‘|3 1
+1[-
4 1
1 _uc‘ .l
Vine 1 | v
?z @ o ' out
A
= Voif
{a)
Vout
Vott
L ot
(b)

Figure 6.12. Offset-compensated noninverting voltage amplifier: (@) circuit; (b) output
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Figure 6.13. Offset-compensated inverting voltage amplifier.
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for the circuit of Fig. 6.12, it can be shown (Problem 6.3) that this circuit is a delay-
free inverting amplifier with gain a. As before, Vg is canceled by the switching
arrangement and does not enter w,,, if the op-amp gain is infinite. (See Problem 6.3
for the finite-gain case.)

As mentioned earlier, in the circuits of Figs. 6.11, 6.12, and 6.13, the output
voltage is V¢ whenever ¢, is high, hence the output is valid only when &, is high.
As an example, for the circuit of Fig. 6.12a, the output waveform is as illustrated
schematically in Fig. 6.12b. Clearly, the op-amp must have a high slew rate and
fast settling time, especially if the clock rate is high. At the cost of a few additional
components [9], this disadvantage of offset compensation can be eliminated (Prob-
lem 6.4).

Low-frequency noise signals, which do not change substantially during clock
period T, are similarly canceled by offset compensation. Thus the troublesome 1/f
noise discussed in Section 2.7 is greatly reduced. Figure 6.14a and b illustrate the
output noise spectra with and without offset compensation, respectively. Note that
cancellation also occurs at 2f,, 4f., . .., which are equivalent to dc for the sampled
noise.

If the digital input signal is bipolar, that is, if it has either a positive or a negative
sign as indicated by a sign bit by, the gain stage with polarity control shown in Fig.
6.15 can be used. When by = 0, indicating that the digital signal is positive, the
circuit functions like the noninverting unity-gain sample-and-hold stage of Fig. 6.12.
If by = 1, the digital signal is negative; then the roles of ¢, and ¢, interchange in

(a)

el

~ o — o

2fg 4t

Figure 6.14. Noise power for a switched-capacitor voltage amplifier: (a) without offset
compensation; (b) with offset compensation.
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Figure 6.15. Offset-compensated switched-capacitor gain stage with polarity control.

the input branch and the circuit functions like the inverting unity-gain stage of Fig.
6.13. The advantages of using the switched-capacitor stages of Figs. 6.11 to 6.15
are that the op-amp has no common-mode input signal, and bipolar outputs can be
generated from a unipolar DAC with a single positive (or negative) reference voltage.

6.3. CHARGE-MODE D/A CONVERTER STAGES

An important advantage of switched-capacitor circuits is that they can be made
digitally variable and thus also programmable. This is accomplished by replacing
some capacitors in the circuit by programmable capacitor arrays (PCAs). Such a
binary-programmed array [10] is shown in Fig. 6.16. In the figure the triangular
symbols denote inverters, and bo, by, . . . , by, are binary-coded (high or low, 1 or
0) digital signals. Thus if (say) b, is high, the left-side switching transistor associated
with capacitor C is on and the right-side transistor is off. Hence C is connected
between nodes X and X’. If b5 is low, the right-side transistor is on, and it connects
the right-side terminal of C to ground rather than to X'. Therefore, C never floats,
and the total capacitance loading at node X is constant. The value of the capacitance
between X and X’ in the 8-bit PCA of Fig. 6.16 is thus clearly

7 7
=3 fi_ b=277C 3, 2, (6.10)

while the total capacitance loading node X is 2C(1 — 2%) (Problem 6.5).

Care must be taken in the design of the PCA to minimize noise injection from
the substrate into the circuit. Thus the bottom plate of the capacitor (which is in the
substrate or right above it) should never be connected to the inverting input terminal
of an op-amp; otherwise, the noise from the power supply which biases the substrate
will be coupled to the op-amp’s input and amplified by the op-amp.

An obvious application of PCAs is the realization of charge-mode D/A converters.
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It can be obtained by replacing the input capacitance aC in the offset-free voltage
amplifier of Fig. 6.12a by a PCA. An example of an N-bit charge mode DAC is
shown in Fig. 6.17, where V, is a temperature-stabilized constant reference voltage.
If b, represents the most significant bit (MSB) and by the least significant bit (LSB),
the output voltage at the end of clock period ¢, is given by

N
Vou = Vit 3, by27". 6.11)

=1

Thus the output is the product of the reference voltage V. and the binary-coded
digital signal (by,b,bs, . .., by).

Note that the orientation of all capacitors is such that their rop plates (indicated
by light lines) are connected to the op-amp input terminal. This reduces substrate
noise voltage injection. Also, due to the presence of the switching devices driven
by by, b, and so on, the total capacitance connected to the op-amp input is constant,
which makes its compensation an easier task.

®
|
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g
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|

c/64

cl128
Figure 6.16. Binary-programmable capacitor array ”
(PCA).
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Figure 6.17. An n-bit charge-mode digital-to-analog converter.

If the digital input signal is bipolar, that is, if it has either a positive or a negative
sign as indicated by a sign bit by, the DAC shown in Fig. 6.18 can be used. If b
= (), indicating that the digital signal is positive, the circuit functions in exactly the
same way as the DAC of Fig. 6.17. If, however, by = 1, so that the digital signal
is negative (as can easily be deduced), in the input branch ¢, and ¢, exchange roles.
Now the circuit functions as the inverting voltage amplifier of Fig. 6.13. Thus the
input—output relation is

N
Uyt = — Vier E br"z_j* (6.12)
i=1

as required by the negative digital signal.

For an N-bit DAC, the capacitor ratio is 2V and the total capacitance Cioa =
(@N*1' — 1)C. For N = 8, 2% = 256 and Ciqq = 511C. The ratio and the total
capacitance increase rapidly with increasing N and the matching accuracy deterio-
rates. The offset-free scheme of Fig. 6.18 can be used in a cascade design to reduce
the capacitor ratio [11]. The circuit diagram for a bipolar 8-bit D/A converter is
shown in Fig. 6.19. The output of the first stage is fed to the second stage with the
same weighting as the least significant bit. The output voltage at the end of clock
period ¢, is given by

4
Vot = KVier 3 (b + 2 *bisay2 7, (6.13)

i=1
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Figure 6.18. DAC with bipolar output.

which reduces to

8
Voue = kVees 3 b2~ (6.14)
i=1

where k is determined by the sign of b,. The capacitor ratio is reduced to 2% = 16
and the total capacitance is Ciosy = 63C. As Fig. 6.19 shows, the capacitor ratio is
reduced without increasing the conversion cycles. For an N-bit (N-even) bipolar D/
A converter, the capacitor ratio is 2V2 and the total capacitance Cyoy = [2V2+2
— 1]C, which corresponds to an improvement of 22~ over the direct method.
The circuit is compatible with most process technologies and uses a single reference
voltage for bipolar outputs.

6.4. HYBRID D/A CONVERTER STAGES

In the cascaded D/A converter shown in Fig. 6.19, the voltage corresponding to the
LSBs propagates through two op-amps before reaching the output. The settling time
of the two cascaded op-amp stages sets an upper limit on the maximum conversion
speed. A more effective way to reduce component spread and achieve high precision
is to combine the charge-mode and resistor-divider-mode DACs described earlier
in the chapter. The most straightforward combination is to replace the LSB stage
(first stage) of the cascaded D/A converter of Fig. 6.19 with one of the resistor-
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Figure 6.20. Seven-bit hybrid DAC stage with charge MSB and voltage-divider LSB DACs.

divider DACs of Fig. 6.5 or 6.6. One example of this approach is shown in Fig.
6.20, where a 7-bit bipolar-output DAC is realized as the cascade of a 3-bit charge-
mode DAC and a 3-bit resistor divider-mode DAC. The MSB in this case is the
sign bit and controls the polarity of the output. For a 16-bit unipolar DAC an 8-bit
charge-mode DAC and an 8-bit resistor divider-mode DAC can be used. In this
approach the LSBs are used to program the output of the resistor DAC while the
MSBs control the capacitor array. The overall accuracy is determined largely by the
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Figure 6.21. Six-bit hybrid unipolar DAC stage with resistor-divider MSB and charge LSB
DACs.

MSB DAC. Monotonicity cannot be guaranteed because the charge-mode DAC is
not accurate within one LSB of the overall DAC.

For inherently monotonic design, a two-stage approach can be used where the
MSBs are used to program a resistor-divider DAC and the LSBs control a binary-
weighted programmable capacitor array (PCA) [12]. This approach is similar to the
one used in an inherently monotonic successive-approximation A/D converter [13].
A 6-bit two-stage unipolar D/A converter is shown in Fig. 6.21. For a 7-bit bipolar
DAC, a sign bit can be added to control the clock phases of the switched-capacitor
gain stage. The overall DAC consists of a 3-bit resistor-divider DAC and a 3-bit
charge-mode DAC. The three MSB connect adjacent nodes of the resistor string to
the two high (bus-H) and low (bus-L) buses. The three L.SBs connect the binary-
weighted capacitor array to the high and low buses through the two switches con-
trolled by ¢, and ¢,. If an LSB is a *‘1,”’ the corresponding capacitor is connected
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to the high bus (bus-H); if the bit is “*0’” it is connected to the low bus (bus-L). For
a positive output, when &, is high, the bottom plates of the binary-weighted capacitor
are connected to bus-H or bus-L. When ¢, goes low and ¢, goes high, the bottom
plates of the capacitors switch to ground and a voltage corresponding to the digital
code appears at the output of the gain stage. If a sign bit is used to control the
sequence of the clock phases, a positive or negative output will be generated at the
output of the DAC. The absolute accuracy and linearity of the entire DAC are limited
- by the accuracy of the voltage division of the resistor string. The monotonicity of
the entire DAC is guaranteed as long as the capacitor array is monotonic. For a 16-
bit bipolar output DAC, an 8-bit resistor DAC and a 7-bit capacitor DAC can be
used. The sign bit will control the polarity of the output.

6.5. CURRENT-MODE D/A CONVERTER STAGES

All current-mode DAC:s are made of three basic blocks: a current reference generator,
a controlled current switching matrix, and a current-to-voltage converter. The current
reference generator is simply a voltage-to-current converter. One such circuit is
shown in Fig. 6.22, where a reference voltage and resistor is used to generate the
reference current. For the circuit of Fig. 6.22, the op-amp forces the voltage across
the reference resistor to V,.s. So the reference current is given by

Ly = ;—“:. (6.15)

The diode-connected p-channel device Q) generates a gate-to-source voltage that
can be used as bias voltage to mirror the reference current into the current-switching

o
} Tret

[

Vref

Figure 6.22. Current reference generator for the
current DAC.



6.5. CURRENT-MODE D/A CONVERTER STAGES 239

Voo
v
I_‘EY o, [‘nn
Q,
{ et
Vret
[Qz -—’V\;nxﬁv—
current lout EE‘
switching
Rret matrix
n-bit digital code

Figure 6.23. Simplified block diagram of a current-mode DAC.

matrix. The current-switching matrix under the control of the N-bit digital input
code produces an output given by

Iowe = Leg (1271 + 272 + - + by2™M), (6.16)

where b, is the MSB and by the LSB.

The output current, I, flows into the current-to-voltage converter, which in its
simplest form is a resistor. To provide a low-impedance output, an op-amp should
be used. In this case the current-to-voltage converter is an op-amp with a feedback
resistor. The simplified block diagram of a current-mode DAC is shown in Fig.
6.23, where the output v, is given by

v(ﬂlt = IG{IIRO = VI‘CERR_OF(bl‘z_! + b’z'z_z + - 4 b_h,l"z_N)- (6.17)

One of the main applications of high-speed current-mode D/A converters is in
raster-scan graphics monitors, which are used in most computer systems. High-speed
DAC:s are also used in digital and high-definition television. These systems normally
include three 8-bit high-speed DAC:s for red, green, and blue colors. In today’s high-
resolution color monitors, each DAC operates at speeds in excess of 200 MHz and
is designed to have a current output that drives a 75-{) doubly terminated line [14,15].

The basic architecture of a 3-bit current DAC is shown in Fig. 6.24. The DAC
consists of 2° — 1 = 7 identical current sources, where each current source, under
the control of the input code, can switch between the output load and ground. For
an inherently monotonic DAC with good differential nonlinearity (DNL), a thermom-
eter-type decoder must be used. A 3-bit thermometer decoder converts the input 3
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Figure 6.24. Three-bit current DAC using a thermometer decoder.

bits to 2> — 1 = 7 output bits, where the number of 1’s in the output code is equal
to the decimal value of the binary code. Table 6.2 presents the truth table of a 3-
bit thermometer-code decoder. If dy to dg are used to control the current sources of
Fig. 6.24, then moving from one code to the next, one additional current source is
turned on, which increases the total output current, hence guaranteeing monotonicity.

TABLE 6.2. Truth Table for 3-Bit Thermometer Decoder
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The thermometer-decoding scheme also improves the glitch performance. A glitch
occurs when, say, going from 3/, to 4/, for the output current, one set of three
current sources turn off and another set of four current sources turn on. Any delay
between turning the two groups on and off will result in a positive or negative
glitch. This phenomenon is common in a binary-weighted current source DAC. In
a thermometer decoder DAC, going from 3/, to 4], the three current sources that
supply 3/, remain on and a fourth turns on to supply 4I,, eliminating any glitches.

As the number of bits increase, straight thermometer decoding becomes impracti-
cal. For more efficient implementation, a two-dimensional row-column decoding
scheme can be used. For example, for a 6-bit DAC, a 3-bit row and 3-bit column
decoder can be used. The DAC will consist of 2° — 1 = 63 identical current sources
arranged as a matrix. Figure 6.25 shows the basic architecture of the 6-bit DAC.
For example, if the digital value for the 6-bit input code corresponds to a decimal
number of 30, thirty current sources in the matrix are turned on and these outputs
are summed to form the output current. In Fig. 6.25 the matrix consists of three
types of rows: (1) rows in which all current cells are turned on, (2) rows in which
all the current cells are turned off, and (3) a row in which the cells are partially
turned on. Based on the three types of rows and the outputs of the row and column
decoders, a logic is designed to control the individual current cells [14].

The architecture of Fig. 6.25 is such that in the actual physical layout of the
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Figure 6.25. Six-bit current DAC architecture.
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Figure 6.26. Simplified 6-bit current DAC architecture.

DAC, the control logic for each cell should be placed next to the current source.
This requirement puts a limitation on the matching accuracy of the current cells and
hence the linearity of the DAC. The architecture of the DAC can be greatly simplified
if a slightly different decoding scheme is used. The block diagram of the simplified
6-bit DAC is shown in Fig. 6.26. It consists of one row of seven current cells and
seven rows of eight current cells. The output of the column decoder controls the
individual cells in the first row, and the seven outputs of the row decoder each
control an entire row. In this arrangement, for a digital code corresponding to a
decimal value of 30, three entire rows and six cells in the first row will turn on. As
we increment the input digital code, the current cells of the first row turn on sequen-
tially. When all seven current cells are turned on, one more increment will turn off
all seven cells in the first row and turn on one entire row of eight current cells.
Turning off one set of seven devices and turning on another set of eight devices may
cause a slight glitch. Also, the architecture in not inherently monotonic. However, for
a 6-bit DAC, monotonicity can be guaranteed as long as the DAC is 3-bit accurate.
The physical layout of the DAC is very straightforward, however. Since the outputs
of the thermometer decoders control the current cells directly, no additional logic
is necessary and all current cells can be placed next to each other, improving the
matching and hence the accuracy of the DAC.
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(a) (b)

Figure 6.27. Configuration of current source: (a) single transistor configuration; (b) cascode
configuration.

The individual current switch is shown in Fig. 6.27a. The gate of (), is tied to
a bias voltage such as the one shown in Fig. 6.22 and establishes the bias current.
When the Clk signal is high Q, is off, Q5 is on, and Iy, flows into the output load.
When Clk goes low, Q5 turns off, @, turns on, and /y,;,; flows into ground. As shown
in Fig. 6.27a, when the current flows into the load, the output voltage, vy, modifies
the voltage of node A, hence changing the drain-to-source voltage of Oy and conse-
quently, the bias current. To increase the output impedance of the current source,
the cascode-connected current mirror shown in Fig. 6.27b can be used. The output
voltage swing of the current source can be improved by using the modified biasing
schemes discussed in Chapter 3.

An alternative current switch with improved current regulation is shown in Fig.
6.28 [16]. In this circuit the gate of transistor Q5 is not switched but is tied to a

Voo
1|Il"l'.iias_| Qo

= = Figure 6.28. Configuration of improved current switch,
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Figure 6.29. Current switch with a voltage-to-current converter.

constant voltage V.. This stage is essentially a fully switched differential pair. The
current ly,;,, is steered either to ground or to the output load, depending on the polarity
of the digital input signal that is applied to the gate of Q. In this circuit the potential
of node A is independent of the potential of v,, and is determined by the bias
voltage Vy., the bias current, and the Vs drop of Q5. Since the drain-to-source
voltage of Qp remains constant and independent of the output voltage, its drain
current also remains unchanged. The simplified schematic of the voltage-to-current
converter and the current switch is shown in Fig. 6.29 [17]. The transistor Q, is
inserted in the feedback of the voltage-to-current converter to balance the drain-to-
source voltage of all the current mirror transistors, hence equalizing their currents.
Current output D/A converters using these types of switches exhibit very rapid
settling times, typically on the order of 5 to 10 ns.

6.6. SEGMENTED CURRENT-MODE D/A CONVERTER STAGES

For high-resolution current-mode DACs, the methods described in Section 6.5 are
not practical because the number of current elements rises exponentially and the
silicon area necessary to implement the DAC becomes excessively large. A more
efficient method of implementing high-resolution current DACs, similar to the volt-
age mode, is the segmented approach [18]. Figure 6.30 shows the basic block diagram
of an N-bit segmented D/A converter. An array of M equal coarse current sources
(1,) is shown. One of the coarse current sources can be divided into more fine current
levels by a passive current divider. Controlled by the value of the input digital code,
a number of the coarse and fine currents are switched to the output terminal, and
the remaining currents are dumped to signal ground. In the circuit of Fig. 6.30, a
thermometer decoder that decodes the N, MSBs of the input code controls the coarse
current sources. The fine current sources will be controlled by the remaining N —
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N, LSBs. In this approach, use of the thermometer decoder guarantees monotonicity
for the coarse current sources. The entire DAC is not inherently monotonic, however,
because the last current source, which is divided into the fine currents, should match
the other coarse current sources within one LSB of accuracy. To guarantee monoton-
icity, a three-way switch can be added to each coarse current source. For each code,
the first m — 1 coarse current units are switched to the output, and coarse current unit
number m is switched to the fine current divider. This method guarantees monotonic
operation because the segment current selected, which is applied to the fine current
divider, depends on the data input. Figure 6.31 shows the basic block diagram of
an N-bit D/A converter. The N-bit input digital code is divided into C-bit coarse
(MSBs) and F-bit fine (LSBs) codes. The C-bit MSBs are decoded by a binary-to-
thermometer decoder that controls the coarse current sources. The remaining F bits
directly control a binary-weighted current divider. The C coarse bits represent values
from zero to 2 — 1. Therefore, 2€ unit coarse current sources are required, including
one for the segmentation current. Figure 6.32 shows the output current of the con-
verter as a function of the input code. Assume that point A on the graph represents
the analog value corresponding to the input digital word. The unit coarse current
sources 1 through m — 1 (of 2€ available unit current sources) are switched to the
output line (I, .oarse) controlled by the MSBs, while the unit current source m denoted
by I, is divided into the fine current levels by a binary-weighted current divider
and is switched to the output current line controlled by the LSBs. The output currents
of the coarse network and fine current divider are added to form the total output
current, expressed as

fout = l(m - 1) + Dy ;—'}'&]fu, (6.18)

where Dy represents the decimal value corresponding to the F LSBs and [, is the
unit coarse current source. An example of a 7-bit segmented DAC is shown in Fig.
6.33 where C = 3 and F = 4. There are a total of 2* = 8 unit coarse currents and
a 4-bit binary-weighted divider. The reference voltage V . is used to bias the unit

VoD
| | . ] ot
| [ | H“ \l
current
divider
J 12 I3 IM-1 Im
---- =

Figure 6.30. Basic block diagram of a segmented D/A converter.
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Figure 6.31. Basic block diagram of a segmented N-bit inherently monotonic current DAC.
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Figure 6.32. Segmented D/A output current as a function of input code.
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coarse current transistors Q; to Qg. The binary-to-thermometer decoder outputs con-
trol the gates of the three-way p-type MOS switches Oy to Q3 that operate in the
linear region. Cascode devices (33 to Qg are added to improve the accuracy of the
coarse currents. This is achieved by equalizing the potentials of the switches and
the segment current line, I..,, which is connected to the 4-bit binary-weighted current
divider. The basic current divider consists of 16 equal-sized common-gate and com-
mon-source transistors Qn to Q6. The individual drains are combined in binary-
weighted numbers, 1, 2, 4, and 8. The output current is controlled by a two-way
switch, which consists of p-type MOS transistors Oy 7 t0 Op4. The four LSBs directly
control the gates of these transistors.

The accuracy of the segmented DAC is determined largely by the matching of
the coarse unit current elements. Symmetrical layout techniques for the MOS transis-
tors of the coarse current sources can improve the accuracy. However, the achievable
precision based upon matching of components in a standard process is not sufficient.
Therefore, additional calibration techniques are used to achieve high-resolution con-
verters. Use of dynamically matched current sources is one of the self-calibration
techniques that can be applied to the segmented current DAC of Fig. 6.30 to achieve
well-matched current sources and hence a high-precision D/A converter [19]. To
accomplish this, each unit coarse current source in Fig. 6.30 is continuously cali-
brated by a reference current /¢ in such a way that all coarse elements are matched
precisely. Before describing the complete process, the calibration principle for one
single current source will be explained.

The basic calibrated current cell is shown in Fig. 6.34. During the calibration
cycle, the signal CAL goes to a high state, transistors 3 and Q> turn on, and Q4
turns off. Consequently, the reference current I, is forced to flow through the diode-
connected NMOS device @, and establishes a voltage V,, across its gate-to-source
capacitance C,,. The dimensions and parameters of the transistor determine the
magnitude of this voltage. When CAL turns low, the calibration process is complete.
Transistors ; and (3 turn off and ¢, turns on and the gate-to-source voltage V.,
of Q, remains stored on C,,. Provided that the drain voltage of Q, also remains

Vop
lout

Iref

caL—{ 03 94 J—caL

CAL
1o,

G Aq
...

Q4

Figure 6.34. Calibration circuit for a single current heak *IVQBICDS
cell. Tk
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Figure 6.35. Improved calibration circuit for a single
= = current cell.

unchanged, its drain current will still be equal to /;.s. This current is now available
at the i, terminal and /s is no longer needed for this current source.

Two nonideal effects degrade the calibration accuracy of the current cell. These
effects, shown in Fig. 6.34, are the channel charge of @, which when turned off is
partially dumped on the gate of Q,, and the leakage current of the reverse-biased
source-to-substrate diode of Q,. Both effects alter the charge that is stored on the
gate-to-source capacitor C,, and hence modify the drain current. It can be shown
that decreasing the transconductance (g,,) of Q, can reduce the impact of both
nonideal effects on the output (drain) current [19].

The calibration circuit of Fig. 6.34 can be modified by adding a fixed current
source in parallel to the current-source transistor Q. The modified circuit is shown
in Fig. 6.35, and the additional current source is represented by transistor Qs, with
its gate tied to a fixed bias voltage, Vyias. The added current source has a value of
about 90% of the reference current I.;. This reduces the value of Q;’s current to
about 10% of its original value and decreases its transconductance by a factor of
X/ﬁ. Furthermore, since the current of Q, is lower, its W/L ratio can now be reduced
by increasing the length L. In this way it is possible to reduce the transconductance
of Q, further by a factor of 8 to 10 while increasing its C,;.

For the calibration technique to be suitable for the DAC of Fig. 6.30, the principle
must be extended to an array of current sources. A system that uses the continuous
calibration technique for an array of current cells is shown in Fig. 6.36. The principle
is characterized by using N + 1 current cells to generate N equal current sources.
The current cell number N + 1 is the spare cell. An (N + 1)-bit shift register
controls the selection of the cell to be calibrated. One output of the (N + 1)-bit
shift register is a logic 1, while the other outputs are all zero. The cell corresponding
to the register with the logic level 1 is selected for calibration and is connected to
the reference current. Because this cell is now not delivering any current to its output
terminal, the output current of the spare cell is switched to this terminal. After
completion of a calibration cycle, the contents of the shift register is shifted by one
place, and the next cell in the array is selected for calibration. This way, every
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current cell is sequentially calibrated and inserted back into the array. The switching
network is responsible for taking the current source selected out of the array for
calibration and replacing it with the spare cell. Since the output of the shift register
is connected to its input, after all cells are calibrated sequentially, the first cell is
calibrated again. By using one spare cell, no time is lost during the calibration period
and there are always N equal current sources available at the output terminals. At
this point it is worth mentioning that the purpose of calibration is not to make the
value of the current sources precisely equal to I';o but to make the current sources
match accurately.

The coarse current array in the DAC of Fig. 6.31 can be replaced with the cali-
brated current array of Fig. 6.36. The basic block diagram of a 16-bit DAC is shown
in Fig. 6.37. The DAC is segmented into 6-bit coarse and 10-bit fine DACs. The
coarse current array now consists of 65 calibrated current cells shown in Fig. 6.35.
The current outputs of 63 normally functioning cells are connected to 63 two-way
current switches, and one cell is connected directly to the 10-bit binary-weighted
current divider. The nonfunctioning current cell is connected to the reference current
for calibration. In this arrangement since all current cells are calibrated, a unique
current cell is dedicated to the fine current divider, unlike the DAC of Fig. 6.33. A
simplified version of the calibration circuitry and the current cell is shown in Fig.
6.38. Of the 65 current cells, 63 supply currents to the coarse DAC, one supplies
current to the fine current divider, and one cell is being calibrated. For a normally
functioning cell, transistors {, Qs, and Q- are off and the current source comprised
of transistors Q; and Q4 supplies the current to the output terminal through the ‘‘on”’
device Qg. For the cell that is being calibrated, devices Q,, Qs, and O, are on and
Qs is off. Since the cell is not operational, the spare cell is switched to the correspond-
ing output terminal through device Q;. Notice that terminals A, and B, of all 65
current cells are connected to nodes A and B of the calibration circuitry. For the
cell selected, the reference current I..¢ flows into O, through Qs, and the loop between
the drain and gate of Q, is closed by the three transistors Qs, Qg, and Q,. This
process charges the gate of Q; to an appropriate voltage required for maintaining a

lout,1 lout, 2 lout, N Voo
P S N A
53
fg:> switching network
-
o p @Lﬁ@%ﬁ% ®
1 2 = N

N + 1 (spare)

Figure 6.36. Block diagram of a continuously calibrated array of N current sources.
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Figure 6.37. Block diagram of a 16-bit continuously calibrated DAC.
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drain current of /... At the end of the calibration period the cell returns to its normal
operation and the next cell in the array becomes calibrated. In Fig. 6.38, transistor
Q3 has been added for channel charge cancellation. The gates of Q, and Q are
connected to the two opposite phases of the control clock. The transistors are identical
except that Q3 has half the channel width of Q,. The charge transferred from the
control signal to C from @ during the falling edge of the clock is canceled by the
charge transferred to C by Qs during the rising edge of the opposite clock.

Sixteen-bit DACs using the continuous calibration technique described in this
section have achieved 0.0025% linearity at a power dissipation of 20 mW and a
minimum power supply of 3 V [19].

PROBLEMS

6.1. What is the necessary relative accuracy of the resistor ratios in the 8-bit version
of the resistive DAC of Fig. 6.4 to achieve 8-bit linearity?

6.2. Prove Eq. (6.4) for the folded resistor-divider DAC of Fig. 6.6.

6.3. Analyze the circuit of Fig. 6.13. Describe v,(nT) in terms of v,(nT). Assume
first infinite, then finite op-amp gain.

6.4. Figure 6.39 shows an offset-compensated voltage amplifier that does not re-
quire a high-slew-rate op-amp [9]. Analyze the circuit for both choices (shown
in parentheses and without parentheses) of the input-branch clock phases. How
much does wv,,, vary between the two intervals &, = ““1’" and ¢, = “‘1"?
Plot the output voltage v, for both choices.

6.5. Calculate the total capacitance loading node X in an n-bit PCA as shown in
Fig. 6.16.

6.6. What is the necessary relative accuracy of the capacitor ratios in the charge-
mode D/A converter of Fig. 6.17 to achieve 11-bit linearity?

6.7. Design the two-stage cascaded D/A converter of Fig. 6.19 for 12-bit resolution.
Determine the number of the bits in the first and second stages so that the
total capacitance is minimized.

6.8. Design a 10-bit hybrid D/A converter using a charge-mode MSB and resistor-
mode LSB structure (Fig. 6.20). Determine the relative accuracy of the capaci-
tor and resistor ratios to achieve 10-bit linearity.

6.9. Derive an expression for the number of unit capacitors, resistors, and switches
for the N-bit DAC of Fig. 6.21. Assume that N = N; + N,, where N, is the
number of LSBs assigned to the resistive DAC and N, is the number of MSBs
assigned to the capacitive DAC.

6.10. Design an 8-bit current DAC according to the architecture of Fig. 6.25. Use
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Figure 6.39. Offset-compensated voltage amplifier (for Problem 6.4).

an equal number of bits for the columns and rows. Design the column and
row decoders and the current cell logic.

Repeat Problem 6.10 for the architecture of Fig. 6.26. Design the current
reference and the unit currents in such a way that the full-scale output current
generates 1 V of peak voltage across a 75-{1 load resistor,

For the circuit of Fig. 6.29, plot the waveform at node A when Clk goes from
low to high and high to low. Assume that the low level is 0 V, the high level
is Vpp (the positive supply voltage), and the p-channel threshold voltage is
Von/5.

Design the 10-bit version of the segmented DAC of Fig. 6.31. Use 4 bits for
the coarse current and 6 bits for the fine current DACs. If the feedback resistor
of the current-to-voltage converter is 1 k{), find the value of the full-scale
current if the maximum output voltage is 2 V. What is the value of each coarse
current source and the current corresponding to one LSB?

Figure 6.31 shows a unipolar segmented current DAC where the output voltage
varies between 0 V and Vgs = Rlgs and Igs is the full-scale output current.
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In a single-supply application, assume that the positive input of the op-amp
is connected to Vpp/2 (Vpp is the positive supply voltage). Modify the circuit
of Fig. 6.31 so that the voltage output varies between 3Vpp (zero input code)
and 3Vpp (full-scale input code). Assume that the DAC is 8 bits, Vpp = 5
V,and R = 1 kf). (Hint: Connect a fixed current source to the inverting input
of the op-amp.)
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CHAPTER 7

ANALOG-TO-DIGITAL CONVERTERS

The analog-to-digital converter (usually abbreviated ADC or A/D converter) is an
essential building block in many digital signal-processing systems. It provides a link
between the digital signal processor and the analog signals of a transducer. The
A/D converter is considered to be an encoding device, where it converts an analog
sample into a digital quantity with a prescribed number of bits. Numerous types of
A/D converters have been designed for a wide variety of applications. The type of
the application largely determines the choice of the A/D conversion technique. From
the viewpoint of the implementation, analog-to-digital converters typically contain
one or more comparators, switches, passive precision components, a precise voltage
reference and digital control logic.

In this chapter the basic principles and performance metrics of the A/D converters
are presented first. Following that, several types of Nyquist-rate A/D conversion
techniques are examined, and their implementation in the CMOS technology is
discussed.

7.1. ANALOG-TO-DIGITAL CONVERSION: BASIC PRINCIPLES

As was the case with Nyquist-rate digital-to-analog converters, there are a variety
of algorithms and realizations available for analog-to-digital converters offering dif-
ferent advantages and disadvantages. The trade-offs between the conversion accu-
racy, speed, and economy (the latter measured by circuit complexity, chip area,
power dissipation, etc.) offered by these options vary widely. As will be seen, practi-
cal converters exist for signal bandwidths ranging from 1 Hz to 5 GHz, with resolu-
tions anywhere between a few bits to 24 bits. Different applications obviously require
different parameters; Fig. 7.1 illustrates the approximate range of requirements for
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some common systems containing ADCs. As we did for DACs, we classify Nyquist-
rate ADCs according to their conversion speed into three categories:

l. High-Speed ADCs. In these devices the analog samples to be converted can
be entered at a rate equal to the clock rate, or half the clock rate. Thus the
throughput rate of data equals the clock rate, or half of it. There may, however,
be a long constant delay (latency) between the time that the analog sample
enters the converter and when its digital replica appears at the output. Typical
examples of such high-speed ADCs are the flash, interpolating, two-step (or
half-flash), pipeline, and time-interleaved converters. Such converters can
achieve conversion rates in the range of 0.5 megasamples/second (MS/s) to
10 GS/s. Their accuracy ranges from 8 to 12 bits. Typical applications include
video, imaging, and radar systems.

2. Medium-Speed ADCs. For an N-bit ADC, such converters require N clock
periods for each analog sample. Thus their throughput is N times slower than
the clock rate. Typical realizations include the various serial (successive-ap-
proximation) converters. These converters usually achieve a 10- to 14-bit reso-
lution; their conversion speed may be in the range 0.1 to 5 MS/s. Their applica-
tions include telecommunication, control, and low- to medium-speed
measurement systems.

3. Low-Speed Converters. For aresolution of N bits, these devices require approx-
imately 2V clock periods to convert an analog input sample. This can lead to
very slow operation; for example, if N = 16, 65,536 clock periods are needed
for each conversion. Clearly, these converters can only be used for constant,
or very slowly varying signals. Converters in this categories include the various
integrating and counting circuits, such as single- and dual-ramp converters.
Typical accuracies range from 15 to 24 bits; typical applications include digital
panel instruments, such as digital voltmeters and biomedical measurement

instruments.

We discuss the most common A/D converter types and their key properties later in

the chapter.
Next, the key parameters that characterize an A/D converter are discussed. The

block diagram of an ADC is shown in Fig. 7.2. The analog input (typically, a voltage
v,), is normalized to a (voltage) reference V¢ and their ratio is converted into an
N-bit digital output word B,,, containing by, b, ..., by. Under ideal conditions,
ignoring noise and any imperfections of the components, the relation between the

three quantities is

a t
By = b1-2" -4 bz-z_z + -+ bMZ_N = EV—fE‘I (7.1)

Here v, is the quantization error due to the finite number N of bits used in the
conversion. This error is inherent in the process and can only be reduced by increas-
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Vret
A/D N |
Vin® = converter 7 = Bout

Figure 7.2. Block diagram of an analog-to-digital converter.

ing N or by reducing V. The output—input characteristic of the conversion is
illustrated in Fig. 7.3 for N = 2; the quantization error v, is the difference between
the solid staircase curve (the actual characteristic) and the dashed line (which repre-
sents the ideal curve for infinite N). We shall define the least-significant-bit (LSB)
voltage Vi, = V2V, Here Vi, = V,e/4 for N = 2. Then, as Fig. 7.3 shows, the
magnitude of v, cannot exceed V\,,/2 as long as v, remains in the range 0 to V.
— Viw/2. This is called the linear conversion range of the ADC; for v, values
outside this range, the converter overloads and the absolute value of v, is not bounded

Bout
ideal curve (N— )
ﬂLth //
i

11 | Voltege ideal curve (N=2)
L code center points
|
7/ transition points

F linear range ——>

Figure 7.3. Input—output characteristics (transfer curve) for a 2-bit ADC.
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by Vis/2. For reasonably large values of N, V. can approximate the upper boundary
of the linear range. The figure also shows the transition (or threshold) voltages.
These are the input voltage values where B, changes its value; for our example,
they are at V,.;/8, 3V,.1/8, and 5V,.(/8. Also, the code center points, located halfway
between the transition voltages, can be observed. These are located on the ideal
(infinite N) line characteristic. _

For a randomly varying input signal ui,(7) that stays within the linear range, we
may often assume that the quantization error v, is a random noise with a zero mean
value and that the instantaneous value of v, is a random variable with a uniform
distribution probability between — Vi5,/2 and + V)p/2. Then its rms value can readily
be found (Problem 7.1) to be

Vlsb

Vg.rms = : (72)
! V12
The power of the quantization noise v, is therefore
Vi, Vig
PFe=T2 ~mx 2™ (7.3)

To illustrate the validity of this approach, Fig. 7.4 shows the spectrum of a sine-
wave signal after an 8-bit quantization. The tall line at w/w. = 0.24 represents
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Figure 7.4. Spectrum of a sine-wave signal after 8-bit quantization.
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the spectrum of the original sinusoid, and the random white-noise-like spectrum
everywhere else belongs to v,. Clearly, in this case the approximation of v, by a
white noise is reasonably accurate.

Next, let the input signal u, be a sine wave with a peak-to-peak amplitude V.
This is the maximum input amplitude that the ADC can handle without overloading.
The power of the signal v, is, then, P;, = V2/8. Here we ignored the unimportant
dc power due to the dc bias needed to center the input signal in the linear range of
the ADC. Therefore, using the noise model of v,, the signal-to-quantization-noise
ratio of the N-bit ADC is

: 2N
SNR = 10 log % =10 1og1—2~";—2 = 6.02N + 1.761 dB.  (7.4)
q

A similar calculation performed for a sawtooth input signal gives an SNR of 6.02N
dB (Problem 7.2). Thus the SNR of an N-bit A/D converter with a given reference
voltage V. is limited by quantization noise to about 6N dB; the SNR is increased
by 6 dB for every added bit, since each extra bit reduces the amplitude of v, by a
factor of 2.

In practice, the ideal conversion curve of Fig. 7.3 cannot be achieved; the thresh-
old voltages that are nominally at odd multiples of V,.,/2 will in fact occur at different
U values, and hence various errors will appear. Some of the commonly used error
definitions are illustrated in Figs. 7.5 to 7.8. Figure 7.5 shows a transfer characteristic
with offset error: the ideal converter curve is horizontally shifted. The offset error

Bout

10

01 -

00 —} I == Vin/Vret

|
l
0 i 3 3 0

Figure 7.5. Transfer characteristics for a 2-bit ADC with and without offset error.
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Figure 7.6. Transfer characteristics for a 2-bit ADC with and without gain error.

is simply the amount of shift. The gain error is illustrated in Fig. 7.6; the threshold
voltages remain equally spaced, but the spacing is no longer the correct Vy,. Both
offset and gain errors are linear errors; they do not distort the input signal, only shift
or scale it. Thus for a sine-wave input the quantization error remains a random-
noise-like signal, and no harmonics of the input signal are generated. Hence such
errors can usually be accepted and/or compensated elsewhere in the system. A more
serious distortion results from the unavoidable unequal spacing of the threshold
voltages, which causes nonlinearity errors. Two such nonlinear characteristics are
shown in Figs. 7.7 and 7.8. In the former, the nonlinearity error is relatively small,
and over the complete range of v, the ADC generates every output code. In the latter,
the distortion due to nonuniform variation of the threshold voltages is excessive, and
one output code (010) cannot be generated at all. This effect, called missing-code
error, is normally unacceptable in a practical ADC. As was the case for DACs, the
nonlinearity errors of ADCs are usually quantified by the values of their integral
nonlinearity error (INL) and differential nonlinearity (DNL). In ADCs, the INL is
defined as the largest vertical difference (expressed in LSBs) between the code
center points of the actual characteristic curve and the line connecting the endpoints
on the curve (Fig. 7.9). The DNL is defined as the largest deviation between the
actual differences of two adjacent threshold voltages and the ideal difference value
(Visp), as shown in the ADC characteristics of Fig. 7.9. Here the largest error occurs
when the transition-level difference equals d, and hence the INL expressed in LSBs
is (d — Vig)/Viep.
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Figure 7.7. Transfer characteristics for a 2-bit ADC with and without nonlinearity.
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Figure 7.8. Transfer curve of a 2-bit ADC with and without missing-code error.
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Figure 7.9. Nonlinear transfer curve showing the INL and the worst-case transition differ-
ence. The DNL is |d — Vg|.

7.2. FLASH A/D CONVERTERS

Flash analog-to-digital converters are the fastest and conceptually the simplest
A/D converters. In an N-bit flash A/D converter, 2V — 1 separate analog comparators
and reference voltages are used to convert the analog voltage to a digital word. Each
one of the 2¥ — 1 reference voltages corresponds to one guantization level in the
digital word. Figure 7.10 shows the conceptual diagram of an N-bit flash A/D con-
verter. Here 2V — 1 comparators are used and the 2V — 1 quantization levels are
generated by an N-segment resistive voltage divider. The outputs of the comparators
are processed by the encoder/decoder logic to produce an N-bit digital word.
Figure 7.11 shows the structure of a 3-bit flash A/D converter in somewhat more
detail. The positive input of the 2> — 1 = 7 latching comparators is connected to
a common analog bus, which is driven by the analog input voltage. The other input
of each comparator is connected to a distinct analog decision level. For a given
analog input level v, the comparators whose input reference levels are below v
will have an output state of 1, and those with reference levels above v, will have
an output state of 0. Thus the reference voltages and comparator stages are used to
convert the analog input to a digital thermometer output code. Table 7.1 shows the
thermometer code and the corresponding digital binary code. With increasing analog
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Figure 7.10. Conceptual diagram of an N-bit flash A/D converter.

voltage u,, the number of the 1’s in the thermometer output code will increase.
Examining Table 7.1 reveals that the particular resistor segment in which the analog
input lies can be determined by an encoder logic that compares the output logic
levels of each comparator with the outputs immediately below it. As shown in Fig.
7.11 for the 3-bit flash A/D converter, the encoder logic consists of 2*° — 1 = 7
two-input AND gates. For example, for an analog input level corresponding to the
binary digital word 100, the output of the AND gate with the input deé will be true.
The output of the encoder is applied to a decoder logic to form a 3-bit word. As
shown in Fig. 7.11, an additional comparator can be added which detects overflow
conditions corresponding to input levels that exceed V..

As mentioned earlier, the comparators in a flash converter generate a thermometer
code. When everything is working ideally, the pattern of comparator outputs should
resemble that of a thermometer, all 0’s above the input level, all 1’s below. The
zero-to-one transition point rises and falls with the input level. However, under
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Figure 7.11. Basic structure of a 3-bit flash A/D converter.

extremely high input slew-rate conditions, timing differences between various signal
paths or even slight differences between comparator response times can cause the
effective strobe point of one comparator to be quite different from another. Conse-
quently, a 1 may be found above a 0 in the thermometer code even though this
cannot happen at dc. Errors of the type are sometimes referred to as bubbles because
they resemble bubbles in the mercury of a thermometer. Table 7.2 shows a normal
thermometer code and the corresponding encoder output, and a thermometer code
that is contaminated by a bubble error, in this case a 0 surrounded by 1's. The
encoder outputs of Fig. 7.11 would now generate two true outputs, which (depending
on the design of the decoder) may produce grossly erroneous codes.

A common method of suppressing bubbles is to use a three-input AND gate that
compares the logic output of each comparator with those immediately above and
below. This would then require two 1's and a 0 to cause the encoder output to be
true, and the bubble errors shown in Table 7.2 would be avoided. Figure 7.12 shows
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TABLE 7.1. Binary—Thermometer Code Relationship

Decimal Binary Code Thermometer Code

Number b, b, b, a b c d R £ "
0 0 0 0 ol ol o] ol o]l o] o
! 0 0 1 1 fo|lo|lof|o] oo
2 0 ! o |t | 1o oo ]| o0o]o
3 0 1 1 1 1 1 0 0 0 0
4 ! 0 o |1 1]t |1 [olol]o
> ! 0 1 ! N EEEEEEE
6 ! 1 0 1 1 1 1 1 1 | o
’ I 1 I N AT BT N N

the 3-bit flash A/D converter with a modified encoder to remove the bubble errors.
However, this circuit will not remove bubble errors where two or more string of
0’s are surrounded by 1’s. More sophisticated encoders can be used to eliminate
these and other possible bubble errors [1,2].

In bipolar technology, flash A/D converters operate in a continuous-time mode.
Sample-and-hold circuits cannot be used because of the droop caused by the current
of bipolar comparator input devices. Furthermore, analog switches are not easily
implemented in bipolar technology. CMOS flash A/D converters, on the other hand,
can operate in either continuous or discrete-time mode. In the discrete-time mode
of operation, a sample-and-hold circuit can be combined with the comparator input
stage. The comparator is normally implemented with one or more offset-canceling
CMOS inverter stage. In an N-bit flash A/D converter, 2¥ — 1 offset-canceled

TABLE 7.2. Encoder Outputs for Thermometer Codes With and Without Bubble
Error

Normal Thermometer

Thermometer Encoder Code with Encoder
Code Output Bubble Error Output

0 0 — 0 0

0 0 - 0 0

0 0 — 1 1

0 0 Bubble — 0 0

1 1 —_ 1 1

1 0 — | 0

1 0 — 1 0

1 0 — 1 0
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Figure 7.12. Structure of a 3-bit flash A/D converter with an encoder that eliminates simple
bubble errors.

CMOS amplifier—comparator stages with sample-and-hold input capacitors will be
used to perform the conversion.

Figure 7.13 shows the details of an auto-zeroed sequentially sampled differential
input comparator stage [3]. It uses a CMOS inverter stage with three CMOS
switches—S5,, S5, and S;—and capacitor C, which samples the input signal, as well
as the input offset voltage of the inverter. The CMOS switches are controlled by
the two complementary clock phases ¢ and ¢. During the first half clock cycle,
when ¢ is high, switches S, and S, are both on and switch §; is off. Switch S, shorts
the input and output of the inverter stage and charges one side of the capacitor C
to a bias voltage determined by the W/L ratios of the devices in the inverter stage.
The PMOS and NMOS devices, with their gate and drain tied to each other, form
a voltage divider between the positive supply and ground and are normally sized
so that the bias voltage at the center node is approximately one-half of the positive
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Figure 7.13. Auto-zeroed CMOS comparator with sample-and-hold input branch.

supply voltage. The other side of capacitor C is connected to the input voltage v,
via switch ;. During this phase the comparator inverter is auto-zeroed to its toggle
point by §;, and the input voltage is connected to capacitor C through switch S,.
As soon as ¢ goes low, both S, and S; turn off, and the input voltage remains stored
on capacitor C. With §; open, the inverter becomes a gain stage and its gate floats
around its toggle point. During the second half-clock cycle, ¢ goes high and the
reference resistor tap is now connected to the capacitor C through switch §. Any
difference between the sampled input and resistor tap voltages will be amplified by
the gain of the inverter stage. The amplified signal will be applied to the following
matched inverter stage, which has the same toggle point. This results in a forced
digital “‘high’” or “low’” output level. This level is captured in the latch on the
trailing edge of ¢ clock signal.

As mentioned briefly in Chapter 5, the comparator of Fig. 7.13 has two potential
problems. One problem is that the voltage gain of the single inverter stage is rather
low, typically around 50. This puts a lower limit on the minimum voltage that the
comparator can resolve. The other problem is that the channel charge injection and
clock feedthrough of the switches modify the voltage stored on capacitor C, resulting
in an offset voltage that is a function of the clock signal. To investigate the clock-
feedthrough effect, consider the parasitic capacitors C,,, and C,2 shown in Fig. 7.13.
When switches S, and S; turn off, a portion of their channel charges and the capaci-
tively coupled clock-feedthrough charge are transferred to C,,, and C,;. The parasitic
charge transfer to C,, has no adverse effects because when S turns on, capacitor
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C,1 will be connected to Viir. So G, is always switched from one voltage source
to another, and the intermediate voltage of C,; when both §; and §; are off is
unimportant. The charge coupling to C,;, however, cannot be ignored, because the
resulting change of voltage across C,, modifies the bias voltage of the comparator
that is stored on C. Using minimum-sized complementary switches with CMOS
devices, so that the p- and n-channel control voltages are equal and opposite will
result in some error cancellation. A more effective solution is to use the two-stage
comparator shown in Fig. 7.14a. This circuit consists of two cascaded auto-zeroed
comparator stages containing two capacitors, C, and C; and four switches, S,, S,
33, and S, [4]. During the first auto-zeroing half-cycle, when ¢, and ¢, are high,
switches §,, S;, and S, are on and S; is off. Next, switches 5, and S, turn off while
54 remains on and C stores the voltage change due to the charge injection of §,.
Subsequently, S4 turns off and S; turns on, and the comparator enters the high-gain
region. It amplifies the voltage difference between the sampled input signal and
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Figure 7.14. (a) Two-stage auto-zeroed comparator; (b) comparator timing.
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the reference voltage. Figure 7.14b shows the timing of the clock waveforms. The
comparator has a much higher gain and can respond accurately to much smaller
input voltages. As before, a matching inverter and a clocked latch that captures the
final digital output follow the comparator. The maximum sampling frequency of the
flash A/D converter that uses the auto-zeroing comparator is determined by the speed
of the comparator and the quantization voltage (absolute voltage of one LSB), which
is a function of the magnitude of the reference voltage and the number of bits in
the digital output.

7.3 INTERPOLATING FLASH A/D CONVERTERS

The concept of the flash A/D converter as presented in Section 7.2 is straightforward,
and it can very easily be extended to higher-resolution systems. The complexity,
however, increases very rapidly with the resolution (N bits). For an N-bit system,
the architecture requires a minimum of 2¥ — 1 comparators and 2" resistors. For
example, an 8-bit A/D converter will require 255 comparators and 256 resistors. It
is therefore difficult to realize high-resolution high-speed flash A/D converters and
maintain low power dissipation and small die area. The physical layout of the flash
converter poses another challenge. The comparators and long resistor strings should
be located in a symmetrical fashion to avoid unequal propagation delays for the
clock and input signals and to prevent uneven sampling instances of the input signal
across the comparator array. As the number of bits increases, the input capacitance
of the system increases linearly with the number of the auto-zeroed comparators.
This large input capacitance causes high-speed current spikes in both the analog
input and the reference taps. To overcome the effects of these dynamic transient
signals, the user is required to provide a high-power signal buffer for driving the
analog input terminal. One method for achieving lower input capacitance is to use
interpolation technique [4]. Figure 7.15 shows a simple interpolation circuit that can
reduce the number of the input comparators and consequently, the input capacitance
by a factor of 2. For an N-bit flash A/D converter, the reference resistor divider is
designed with 2V~ taps, which is also a factor-of-2 reduction. Interpolating resistors
are connected between the outputs of adjacent comparators, and the voltage at the
common terminal of the two resistors is the average of the two comparator output
signals:

Vn,i + Vn*:'
Vi1 = —2—5—2tt (1.5)

To understand the operation of the circuit, assume that all inverter stages in the
auto-zeroing input comparators and those that follow them are made of matching
p- and n-channel transistors, so that they all have identical toggle voltage equal to
Viias- Assume also that the analog input voltage (once captured on the sample-and-
hold capacitors) causes the output of inverter i — | and all those below it to be in
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Figure 7.15. Interpolating flash A/D converter.

saturation, indicating a logic 1 and causes the outputs of inverter i + 1 and all those
above it to be in saturation, indicating a 0. Comparators i + 1 and i will, however,
be operating in their high-gain (linear) regions. They will hence be amplifying the
difference between the analog input voltage and their respective tap voltages on the
reference divider. In this case, the voltage that will appear at tap A on the second
divider will be halfway between the voltages at the outputs of comparator i and i
+ 1 and will have the value given by Eq. (7.5). If this voltage is greater than V),
(the toggle voltage of the inverter), the output of the inverter i + } connected to node
A will be 0; otherwise, it will be a 1. The 2V — 1 outputs from the comparators
and the averaging inverters are captured by an array of latches. Just as in all flash
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converters, the 2¥ — 1 thermometer code output data from the latches feed a decoder
that converts them to an N-bit binary word.

Alternatively, active analog components can be used in an averaging circuit [5].
Figure 7.16 illustrates an analog averaging circuit employing CMOS inverters. The
two inverters have their inputs tied to V, and V; (the voltages to be averaged), with
the outputs connected to provide an amplified average of the two input signals.
Assuming that the two inverter stages are identical and have equal gains given by
A, the output will be the amplified average of the two input voltages V, and V;:

(7.6)

The implementation of the averaging function using active components has several
advantages over the averaging circuits using passive components. First the circuit
amplifies the averaged signal which improves resolution and the noise performance.
Second, the circuit provides an active drive, which increases the speed of the circuit.
Figure 7.17 is a schematic of a flash A/D converter that uses the active analog
averaging circuit shown in Fig. 7.16. In this circuit, as before, only half the number
of required comparators is used in the input stage. The others are implemented by
using the active averaging circuit placed between adjacent comparator outputs.
Interpolating flash A/D converters have a number of advantages over conventional

Voo
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Figure 7.16. Active interpolating circuit.
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Figure 7.17. Interpolating flash A/D converter employing active averaging circuits.

full flash converters. Fewer auto-zeroing comparators are required, which signifi-
cantly reduces the silicon area, power dissipation, and input capacitance. Hence the
transient signals at the analog input and the reference voltage taps are also reduced.
This also reduces the required number of the precision voltage taps, which leads to
a significant reduction in silicon area and in improved accuracy. Active interpolation
techniques, (Fig. 7.17) use simple inverter stages to amplify and average the effective
residual signals. This increases the speed and accuracy of the converter significantly.

7.4. TWO-STEP A/D CONVERTERS [6-9]

The flash A/D converters described in Section 7.3 require 2V — 1 comparators to
achieve an N-bit resolution. Thus the overall circuit complexity increases very rap-
idly with increasing N. The interpolating architectures reduce the total input capaci-
tance by reducing the number of auto-zeroing comparators connected to the input
line. This will increase the conversion speed but does not intrinsically reduce the total
number of comparators and clocked latches. An alternative to a flash architecture is
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Figure 7.18. Block diagram of a two-step flash A/D converter.

the multistep A/D conversion technique, with the two-step flash being the most
popular, due to its high speed and ease of implementation. The two-step architecture
uses a coarse and a fine quantization to increase the resolution of the converter.
Several two-step A/D conversion techniques are available. Figure 7.18 shows the
block diagram of an (N + M)-bit two-step A/D architecture. The circuit operates
on the input signal in two serial steps. First an N-bit ‘‘coarse’’ flash A/D converter
determines the N most significant bits. After the coarse quantization has been per-
formed, the N-bit digital data are reconverted into an analog value using an N-bit
D/A converter. This analog value is then subtracted from the original analog input.
The difference is subsequently applied to an M-bit ‘‘fine’’ flash A/D converter that
generates the M least significant bits. In most cases, M and N are chosen to be equal
to keep the circuit symmetrical and the complexity low. For example, in an 8-
bit two-step flash, one would use two 4-bit flash A/D converters and a 4-bit D/A
converter.

The two-step flash ADC (also known as subranging ADC) provides a powerful
low-cost alternative to the flash A/D converter when maximum speed is not neces-
sary. For an 8-bit A/D converter, the two-step flash approach reduces the comparator
count from 2° = 256 to 31. This requires a relatively small die size, with the input
loading and power dissipation also greatly reduced. The major disadvantage of the
two-step flash approach is the reduction in the throughput rate (one-half of that of
flash): Two clock cycles are required for each conversion cycle, since the fine conver-
sion cannot start until the coarse conversion is completed.

The block diagram of a 6-bit two-step flash A/D converter, which will be used
to explain how the concept can be implemented, is shown in Fig. 7.19. The system
contains two 3-bit flash A/D converters. Each flash subsection is made up of seven
comparators, which compare the unknown input with the tap voltages of a string of
reference resistors to get a 3-bit digital output. The reference string consists of eight
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Figure 7.19. Six-bit two-step flash A/D converter.
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“‘coarse’’ resistors, each of which has a value R. Each coarse resistor is made up
of eight “‘fine’’ resistors, each with a value R/8. The total resistance of the entire
string is thus 64 X R/8 = 8R. The coarse resistors provide seven taps for the
“‘coarse’’ comparators CM; to CM-, with voltages ranging from V,;/8 to 7V,/8 in
increments of Vi/8. The smaller resistors form a divider, with output voltages
ranging from V/64 to V,.¢/8 in increments of V,./64. Only the taps of the lower
resistor string are connected to the ‘‘fine’’ comparators. The A/D converter of Fig.
7.19 is a pipelined subranging architecture. It converts in two steps. The first 3-bit
conversion subdivides the input range into eight segments. Then the subrange chosen
is further quantized into eight segments (3 bits). The two 3-bit words are then merged
to form a 6-bit output word.

The coarse and fine A/D converters each use seven auto-zeroing comparators,
CM, to CM- and CL, to CL,, respectively. An additional comparator CMj is used
in the coarse A/D converter to detect overflow. The details of the coarse and fine
auto-zeroing comparators are shown in Fig. 7.20a and b, respectively, and the timing
diagram is illustrated in Fig. 7.20c.

Next, we discuss the operations of the various stages in the converter. The coarse
A/D converter comparators (Fig. 7.20a) are auto-zeroed during the &, = 1 period:
Sm1, and Sy, are closed, and hence C, in comparator CM; charges to Viy; — Vap.
Here Vi = (i/8)Vye is the ith tap voltage in the coarse R string, while Vg, is the
self-bias (toggle) voltage of the coarse comparators. When next ¢, — 0 and ¢, —
1, the input voltage of comparator i changes from Vg, to

Ci(tha — Vi)
C+G+C

Vami = Ve + (7.7)

Here C, is the parasitic input capacitance of CM; and CL; (Fig. 7.20a). Thus the
output of CM; is determined by the sign of u, — Vj at the time when ¢, — 1.
The coarse comparator outputs are then captured by an array of clocked latches and
encoded/decoded into the three MSBs of the output word using the process illustrated
in Fig. 7.12. The output of the encoder is also used to select as Vpac the tap voltage
Vmi in the coarse resistor string, which is the largest Vi < wu,, by closing the
appropriate switch §;. This performs the 3-bit DAC operation (Fig. 7.18).

The fine A/D converter operates in a push-pull timing mode with the coarse
converter. The ith comparator is auto-zeroed during ¢, = 1. In the following phase,
St1, Se2, and Sy3 are opened and S;; and Sy, closed. This causes the comparator
input voltage to change from Vg, to

CoVyi — Ci(vin — Vbac)
C, + G +G,

Vg{_,' - VBL + (78)

Since C; = C, = C s used, the output of CL, is determined by the sign of Vy; —
(vp — Vnm:). Therefore, Ve < Vg will occur if Yn — Vpac = Vi and Vg, >
Vi if vin — Vpac < Vi Thus the CL; comparator outputs give a thermometer-



7.4. TWO-STEP A/D CONVERTERS [6-9]

277

Sma (P2)
Vin 0—o VBMi
" C4 Sm1(®9)
Smz (D4) l =
Vi o—o € =C1=C2 ot “Semp,mm
ith coarse resistor Cp1-Cume
1[ C2 TC
-
(a)
Sp2{ds)
Vin H\"— c
1 Vg Sp1{®y)
S 3(®y) s
Vpac o0 l LS
Sy 5{dy) €C=Cy=Cz o comparators
r;\_ CL1-Cu7
VLi 0—0— C2 -
ith fine resistor
(b)
= MS comparators e LS comparators compare Vin -VpDAC
auto-zero 1o coarse to fine reference ladder.
reference R string * MS comparators auto-zero. * LS comparator
voitages. outputs are
¥ \L latched.
— K’
phase 1 phase 2 phase 1
7
e MS comparators compare Vjp, to their

reference R string tap voltages. The
comparator outputs digitally track
Vin —Vstring tap.

LS comparators auto-zero to vjp. The

comparators input capacitators
Cq track vip.

* MS comparator outputs
are latched. The MS DAC
is set. MS comparators
switch to the reference

ladder.

{c)

Figure 7.20. (a) Most significant auto-zeroing comparator; (b) least significant auto-zeroing

comparator; (¢) A/D timing diagram.



278 ANALOG-TO-DIGITAL CONVERTERS

code representation of u, — Vpac, as required (Fig. 7.18). By recording these
outputs, the three LSBs of the output word are obtained. These can then be combined
with the three MSBs stored in the clocked latches to obtain the digital output of the
ADC. It should be noted that »,, is acquired by the input capacitors C, of all compara-
tors at the same time, when ¢, = 1. This generally makes use of an input sample-
and-hold stage unnecessary.

Several alternative variations of the two-step flash A/D converters are available
[10,11]. One architecture that avoids analog subtractions or DACs is the intermeshed
ladder subranging architecture. The central feature of this approach is shown in Fig.
7.21. It is an intermeshed ‘‘coarse—fine’’ resistor network that provides the MSB
and LSB reference levels against which the input is tested. As in the conventional
architecture for an (N. + M)-bit A/D converter, the coarse MSB string has 2V low-
resistance sections. A higher-resistance *‘fine’’ resistor string is intermeshed (paral-

Figure 7.21. Intermeshed resistor segment network.
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&

fine comparators

=

leled across) each coarse resistor R¢; each of the 2V fine sections is tapped at 2%
— 1 nodes. As before, the system needs 2N coarse comparators (one extra for over-
flow) and 2™ — 1 fine ones.

Implementation of a 4-bit ADC example where the system is split into two 2-bit
quantizers is shown in Fig. 7.22. Four comparators are connected to the taps of the
““coarse’’ segment, while the three ‘‘fine’” comparators are addressed by a block
selection logic that obtains its information from the coarse quantizer. A two-phase
clock with the timing shown in Fig. 7.20 can be used for the conversion. As before,
during ¢; = 1 the coarse comparators are auto-zeroed and its input capacitors are
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charged to the coarse reference voltages. During ¢, = 1, the fine comparators are
auto-zeroed and the input capacitors of both fine and coarse comparators are con-
nected to the input voltage. At the end of phase 2, the outputs of the coarse compara-
tors are latched, and the input voltage is sampled on the input capacitors of the fine
comparators. The coarse quantization determines the two levels between which the
fine quantization must take place. After decoding the thermometer code from the
outputs of the coarse comparators, a block selection is performed and the fine refer-
ence levels between the previously determined coarse levels are applied to the input
capacitors of the fine comparators. Then the fine conversion is performed. Notice
that during phase 1, while the fine comparators are performing the fine conversion,
the coarse comparators are auto-zeroed and their input capacitors are recharged to
the coarse reference voltages.

g ®

. ,/’\\/\h

v
comparator b /
output

sign of
(Vin—vmi) sign of
e (Vin=vLi)
sensed

(b)

Figure 7.23. (a) Three-stage auto-zeroing comparator stage; (») timing diagram of the con-
Version process.
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Figure 7.24. Four-bit two-step flash converter.

If three clock cycles are available during a conversion period, the three-input
auto-zeroing comparator shown in Fig. 7.23a can be used. This allows sharing of
the coarse and fine comparators. A two-step 4-bit flash A/D converter that uses four
such comparators is shown in Fig. 7.24. The timing diagram of the conversion
process is shown in Fig. 7.23b. During the first clock period (¢; = 1) the comparators
are auto-zeroed and the input signal is sampled and stored on the input capacitors.
After completion of this sampling cycle, during the ¢, = 1 period a coarse compari-
son is performed with the four reference voltages equally spaced between V¢ and
ground. The comparators produce a coarse thermometer code, which is decoded to
produce the two output MSBs. The output of the encoder is also used to select the
proper fine resistor network. Next, while ¢3 = 1 the three fine-voltage taps between
the previously determined coarse levels are applied to the same comparators and
fine conversion is performed. Finally, the two newly obtained LSBs and the stored
MSB data are combined to obtain the 4-bit output data. One of the major advantages
of this architecture and the preceding one is the assured monotonicity, since the
same circuit realizes the fine and coarse resistor strings.



282 ANALOG-TO-DIGITAL CONVERTERS

7.5. SUCCESSIVE-APPROXIMATION A/D CONVERTERS

Successive approximation is one of the most popular A/D conversion techniques,
because it offers the combination of high accuracy and moderate conversion speed.
It is a feedback scheme that uses a trial-and-error technique to approximate each
analog sample with a corresponding digital word. In Fig. 7.25, the basic block
diagram of such a system is shown. It contains a sample-and-hold stage as well as
a D/A converter, a successive-approximation register (SAR), and a voltage compara-
tor. The successive-approximation register for an N-bit A/D converter contains an
N-bit presentable register that is cleared prior to the start of the conversion process.
The register bits are set one at a time to a high-state 1 and produce an input to the
N-bit digital-to-analog converter. The output of the DAC is compared to the analog
input voltage, and a decision is made to keep the last bit high or retum it to zero.
In the first step of the conversion, the MSB of the SAR is set to a high state (b, =
1). The MSB DAC voltage Vpac = Vrs/2 (where Vgg is the full-scale voltage) is
substracted from the analog input voltage. If the remainder € is positive, the MSB
remains high (b, = 1) for the rest of the conversion period. If the error signal is
negative, the MSB is returned to zero (b, = 0) and remains zero for the rest of the
conversion process. In the next clock cycle the next most significant bit of the register
is set high (b; = 1) and the DAC output voltage Vpac = (b Ves/2 + by Visld)
is subtracted from the input voltage. Again, if the remainder signal is positive, b,
remains set (b, = 1); otherwise, it returns to zero (b, = 0). This process continues
for each successive bit of the SAR for N clock cycles to complete the conversion
process for one analog sample. In each cycle, if the error signal is positive, the bit

€=Vin-Vpac
. \ [\
Vin 00— S/H + com

V
T Vpac
s
N-bit DAC
N K& A AR
digital output «——£
by by by bn
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Figure 7.25. Block-diagram of an N-bit successive approximation A/D converter.
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Figure 7.26. Decision sequence for a 3-bit successive-approximation A/D converter.

stays high; otherwise, it is returned to zero. The digital output, which corresponds
to the data in the SAR, is not valid until the entire conversion cycle is completed
and all bits (MSB through LSB) have been evaluated. The decision sequence for a
3-bit successive-approximation A/D converter is shown in Fig. 7.26. The correspond-
ing input voltage, the sequential output of the DAC, and the remainder signal are
shown in Fig. 7.27.

Successive-approximation A/D conversion techniques require analog compara-
tors, digital logic, and precision analog components. A number of unique architec-
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Figure 7.27. Remainder and DAC voltage timing diagram of a 4-bit successive approximation
A/D converter.

tures have been developed for successive-approximation A/D converters in CMOS
technologies. The most popular among these are the charge-redistribution capacitor
circuit, the resister-string circuit, and resistor-capacitor (hybrid) circuit.

If capacitors are used as the precision components and MOS devices as switches,
one can use charge rather than current or voltage to represent analog signals inside
the converter. This technique, referred to as charge redistribution, has been used to
implement monolithic A/D converters for many years [12]. A conceptual 5-bit ver-
sion of a charge-redistribution A/D converter is shown in Fig. 7.28a. It consists of
a comparator, a 5-bit binary-weighted capacitor array (plus one additional capacitor
of a weight corresponding to the least significant bit), and MOS switches that connect
the bottom plates of the capacitors to different voltages. The comparator is basically
an inverting high-gain differential amplifier without feedback. Its output is thus
normally latched to positive or negative supply, depending on whether its input
voltage is negative or positive. The operation of the ADC is performed in three
phases. In the first, Sy is closed and the bottom plates of all capacitors are connected
to w,. This results in a charge proportional to v, stored in all capacitors. In the
second phase, Sy is opened and all bottom plates are then grounded (Fig. 7.28b).
This causes the top plate potential to become — u,. In the final phase, the bits of
the digital output are found one by one. To find the most significant bit (MSB) b,,
S+ and S, switch the bottom plate of the largest capacitor (C) to V,.¢ (Fig. 7.28¢).
The top-plate potential v, is now raised to — v, + Vier/2. If vy > Vo4/2, this value
will be less than 0. Therefore, the comparator output will be positive, corresponding
to a logic 1, and this will be the value assigned to b,; otherwise, b, = 0. Next, §;
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Figure 7.28. Successive-approximation analog-to-digital converter: (@) conceptual circuit
diagram, shown in the first (sample) stage of operation; (b) circuit in the second (hold) stage;
() approximation stage; (d) final configuration for the output 01001. (From Ref. 12, © 1975
IEEE.)

will return to ground if b, = 0 (or stay at V¢ if by = 1), and S, will be switched
to V5. The value of v, then becomes

Y = —Up t (1;] + ?)Vreft (79)

as can easily be shown (Problem 7.5). If v, > 0, b, will be assigned the value of
0, and S, will return to ground: otherwise, b, = 1 and S, will stay at V. Next,
b3, by, and bs are found in a similar manner. Figure 7.284 shows the final positions
of §, to S5 after obtaining the digital output 01001.

The circuit described represents the basic concept of the ADC. One of the factors



286 ANALOG-TO-DIGITAL CONVERTERS

b1-0 5231 ba-ﬁ h4i-0 bs-‘T

d ool e ad ol
SRR

(d)
Figure 7.28. (continued)

ignored is the offset voltage of the comparator. This can be greatly reduced by using
offset-compensation (auto-zeroing) circuits. Figure 7.29 illustrates the basic concept.
When S, is closed and S, grounded, the capacitor C is charged up to the offset
voltage V. The output v, of the comparator will be high if v, < V¢ and low if
v, > Voir these conditions correspond to v,,, being high if v, < 0 and low if v, >
0, as in an offset-free comparator. Another compensation method is described in
Problem 7.7.

Comparators are often built by cascading several stages. If the gain of each stage
is low, several stages may be required and the feedback path provided by §, may
lead to instability. Then it is more expedient to connect S, to an intermediate stage
(Fig. 7.30). The offset of A; is eliminated by the auto-zero circuit; the input offset
of A, is not, but when it is referred back to the input of A, it gets divided by the
gain of A, and hence greatly reduced (Problem 7.7). It is also possible to use separate
auto-zeroing circuits for the two circuits.

The charge redistribution A/D converter of Fig. 7.28 is applicable for unipolar
(e.g., only positive) input signals. A slightly modified version of this structure, shown
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Figure 7.29. Comparator offset cancellation by auto-zeroing.

in Fig. 7.31, can be used for bipolar (positive or negative) inputs. The switching
sequence has been altered to incorporate a sign-bit detection cycle. This architecture
needs + Vi for positive inputs and — V. for negative inputs.

The sign bit is detected during the second phase, when the top-plate grounding
switch Sy is opened and the bottom plates of the capacitors are connected to ground
by S, to Sg. The output of the comparator corresponds to the polarity of — u,, the
top-plate voltage of the capacitor array. At the end of the second phase, the compara-
tor output is stored in a clocked latch. It represents the sign of the analog sample.
Next, this sign bit is used to switch the V., with the appropriate polarity to the
bottom plates of the capacitor array using S, and Ss. The reference voltage is used
subsequently during the redistribution cycle to determine the bits of the digital word
corresponding to the magnitude of the input.

The 5-bit charge-redistribution A/D converter of Fig. 7.31 also contains a capaci-
tor C/32 that has a weight of 3 LSB. Without this capacitor, the A/D transfer curve
around zero would have a discontinuity similar to that shown in Fig. 7.32a. This
problem is remedied by switching the capacitor /32 from ground to the reference
voltage after the sign bit is determined. This action will cause the top-plate voltage
of the capacitor array to change from —ku, to (— v, + Vi/64)k, where k = 1/
(1 + 1/64 + C,/2C) and C,, is the parasitic capacitance from the comparator input

I}

e
]
0

Figure 7.30. Reduction in input offset voltage by capacitive storage for a multistage compar-
ator.
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Figure 7.31. Five-bit signed charge-redistribution A/D converter.

to ground. This is equivalent to shifting the input voltage by 3 LSB, and (as shown
in Fig. 7.32b), it eliminates the discontinuity of the A/D transfer curve around zero.

High-performance data acquisition circuits make use of a fully differential archi-
tecture. The main motivation is to reject the noise from the substrate as well as from
the power supply lines. Fully differential charge-redistribution A/D converters use
a fully differential comparator, two binary-weighted capacitor arrays, and a positive
and negative voltage reference. A fully differential 5-bit-plus-sign charge-redistribu-
tion A/D converter is shown in Fig. 7.33 [13]. There are two 5-bit binary-weighted
capacitor arrays. The conversion process is similar to the single-ended case; it is
performed in three phases: the sampling phase, the hold-and-sign-bit-determination
phase, and the conversmn phase. As before, two additional capacitors with
weightings equal to 7 LSB must be added to the two capacitor arrays to eliminate
the conversion discontinuity around zero.

The resistor-string-based A/D converter structure consists of a voltage-output
DAC, a comparator, and a successive-approximation register. For an N-bit system,
the DAC contains a string of 2" resistors connected in series and a switching matrix.
A 3-bit version of a unipolar resistor-string A/D converter is shown in Fig. 7.34
[14]. The string of eight resistors acts as a voltage divider, and the voltage at any
tap in the string is one LSB voltage higher than the voltage at the tap below it. The
voltage at each tap defines a transition level of the A/D converter. The bottom
resistor is chosen to be R/2 and the top resistor as 3R/2, so that the decision levels
are shifted to the midpoint of two adjacent transition levels. The comparator uses
an offset-canceling capacitor C, which also acts as a sample-and-hold stage.

The conversion is again accomplished in three steps. In the first (sampling) step,
&, goes high, and the comparator enters the offset cancellation mode by closing the
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Figure 7.32. A/D transfer curve: (a) without capacitor; (b) with capacitor C/32.

MOS switch So between the comparator output and its inverting input. During this
phase the MOS switch S, is also turned on, and the sampling capacitor C is hence
charged between the offset voltage Vg of the comparator and the input signal. When
&, goes low, both switches S; and S, turn off and the input signal is held across
capacitor C. Also, the feedback path across the comparator is opened. During the
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Figure 7.33. Five-bit charge-redistribution fully differential A/D converter.

subsequent hold cycle, ¢, goes high and the capacitor is connected to the output of
the DAC. The voltage at the input of the comparator thus becomes

vy = —(Un — Vogr — Vi) + Vpac. (7.10)

Here V), represents an appropriate bias voltage, normally midway between the posi-
tive supply and ground, connected to the positive input of the comparator. During
the third phase, the usual successive-approximation search is performed by placing
a trial value 1 in the MSB position and making a decision by examining the state
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Figure 7.34. Conceptual diagram of a unipolar 3-bit successive-approximation resistor-string
A/D converter.

of the comparator output. For example, in the first step when b; = 1 and b, = b;
= 0, switches S, S¢, and S|, close and the voltage at node A of the resistor string
is applied to the capacitor C. From Eq. (7.10), voltage v, is now given by

U = —(tp — Voir — V) + 176V (7.11)

v, is next compared to the voltage on the positive input of the comparator given by
Vorr + Vi If v, is greater than |.5V,,_; the output of the comparator goes high and
the bit b; remains 1. However, if v, 1s less than 75 |5 Ve, the output of the comparator
goes low and the bit b; is changed to 0. This process is then repeated in descending
sequence for each of the lesser significant bits.

Since the voltage at any given node of the resister string is always greater than
the voltage at the node below it, the D/A converter is inherently monotonic, and the
A/D converter will have no missing codes. For higher-resolution A/D converters,
the folded-resister ladder-string DAC described in Chapter 6 can be used to simplify
and improve the performance of the circuit.

As the bit count N of the A/D converter is increased, the complexity of the
simple resistor-string or charge-redistribution A/D converters increases rapidly. For
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Figure 7.35. Successive-approximation hybrid 8-bit A/D converter with sign.

example, for an N-bit converter, 2" resistors or capacitors will be needed. Major
simplifications become possible if one uses hybrid architectures by combining the
resister-string techniques with the charge-redistribution methods [15,16]. An exam-
ple of an 8-bit (7-bit plus sign) hybrid successive-approximation bipolar A/D con-
verter is shown in Fig. 7.35. It contains a 4-bit binary-weighted capacitor array fo
the MSBs and a 3-bit resistor string for the steps. The conversion is again performec
in three phases. In the first (sample-and-auto-zero) phase, switch Sp in the feedbacl
of the comparator is closed and switches §, to 8¢ connect the bottom plates of the
capacitors to the input voltage through switch §;. Thus the capacitors are charges
10 vn — Vorr Where Vg is the offset voltage of the comparator. In the second (hold
and-sign-determination) phase, S is opened and the bottom plates of all capacitor
are connected to ground. This will cause v,, the voltage on the top plate of th
capacitors, to charge to — v, + Vg The output state of the capacitor now represent
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the polarity of the input sample. At the end of the second step the state of the
comparator output is latched and it is used to control switch S5, which supplies the
reference voltage with the correct polarity to the capacitor array and to the resister
string. In the third step a successive-approximation search is performed to find the
7 bits. First, the bottom plate of capacitor C/8 is switched to the point on the resls!or
string that corresponds to V,/16. This in effect shifts the top-plate voltage by 3
LSB to —u, + Vo + Vie/512, which is necessary to maintain continuity around
zero. Next, the four MSBs are determined in the capacitive DAC, one at a time, by
setting the bits to a binary 1 state and examining the state of the comparator output.
Finally, the three LSBs are determined by switching the bottom plate of capacitor
C/8 to the output of the resistive D/A converter and performing a successive-approxi-
mation search to find the correct tap voltage on the resistor string, which resets the
top-plate voltage to zero (within * 1 LSB). During this cycle, the top-plate voltage
is given by

S by Wby by bs Vbac
U = {vm + Voff) + (2 + 4 + 8 + 16 me + 16 . (712)

The total conversion takes nine cycles: one cycle to sample the input and auto-zero
the comparator, one cycle to determine the sign bit, and seven cycles to determine
the 7 bits.

The accuracy of the A/D converter of Fig. 7.35 is determined largely by the
matching accuracy of the capacitors. Since monotonicity cannot be guaranteed for
binary-weighted capacitor arrays, the A/D structure is not inherently monotonic. An
alternative architecture for a hybrid A/D converter that uses a resistor DAC for the
MSBs and a capacitor array for the LSBs is shown in Fig. 7.36 [16]. Operation of
the circuit is again performed in three phases. In the first phase, Sr is closed and
the bottom plates of all capacitors are connected to v,. Thus all capacitors are
charged to v, — Vg, where Vg is the offset (threshold) voltage of the comparator.
Next, Sr is opened and a search is performed among the resistor string taps to find
the segment within which this stored voltage sample lies. Nodes A and B are then
switched to the terminals of the resistor R; that defines this segment. In the final
stage, the bottom plates of Ci+y, Cy, ..., C; are switched successively back and
forth between A and B until the input voltage of the comparator converges to Vog.
The sequence of comparator outputs during the successive approximations gives the
binary code for v;,. Due to the first step in which V¢ was subtracted from v, the
offset voltage of the comparator does not affect its output. Since the resistor string
DAC is inherently monotonic, as long as the capacitor array is monotonic, the
A/D converter will also be monotonic and there will be no missing codes.

The successive-approximation A/D conversion techniques using single arrays of
capacitors or resistors are suitable for up to 10 bits of resolution. The capacitive
charge-redistribution technique exhibits excellent temperature stability due to the
very low temperature coefficient of MOS capacitors. Typical conversion times for
8- to 10-bit resolution are in the range 10 to 40 ps. The hybrid technique using a
combination of resistors and capacitors can easily be extended to resolutions greater
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Figure 7.36. Successive-approximation hybrid ADC. (From Ref. 16, © 1979 IEEE.)

than 16 bits. Unless self-calibration is used for high accuracy [17], typical capacitor
and resistor matching can guarantee up to 10-bit linearity by following careful layout
techniques.

7.6. COUNTING AND TRACKING A/D CONVERTERS

Counting and tracking A/D converters are the two main classes of digital-ramp
converters. They contain a binary digital counter and a D/A converter in a feedback
loop around a voltage comparator. Figure 7.37 shows the block diagram of a counting
A/D converter. In this system, a digital ramp input is applied to a D/A converter.
The analog output of the DAC is then compared with the analog input. In each
conversion step, first the counter is cleared and then it starts counting the input
pulses. The output of the digital counter is applied to the D/A converter, which
creates a staircase analog output signal. The counting continues until the D/A output
exceeds the input value. At this point, the output of the digital counter is the required
output word and is dumped into a storage register. The counter is subsequently
cleared, and the circuit is ready to perform the next conversion. Although quite
simple in concept, this converter, has the disadvantage of being very low speed for
a given resolution. Also, the conversion time is a function of the analog input signal
level. For an N-bit converter and a clock period of 7, the conversion time for a full-
scale input is equal to T, = 2V X T. For example, for N = 12 and 1/T = 10 MHz,
the maximum input sample rate is F, = 2441 Hz, very low.
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Figure 7.37. Functional block diagram of a counting A/D converter.

An alternative form of the counting A/D converter is the tracking or servo con-
verter, which is realized by replacing the simple unipolar digital counter of the
system shown in Fig. 7.37 with an up-down counter. In this converter, if the input
voltage is higher than the output of the D/A converter, the counter counts up. Con-
versely, if the input voltage is lower than the D/A output, the counter counts down.
The analog output of the D/A converter is compared continuously with the analog
input. The end of the conversion occurs at the clock period immediately following
a change in the state of the comparator, at which point the counter stops counting
and its state is dumped into an output register. Unlike the counting A/D converter
discussed previously, the counter does not get cleared at the beginning of a conver-
sion cycle. Instead, it retains the previous count and it counts up or down from there
based on the polarity of the error signal and the output of the comparator. The
conversion is again complete when the output of the D/A reaches the input signal
level and the comparator changes state.

If the difference between two consecutive input samples is large, close to full
scale, the conversion time for the tracking A/D converter is quite slow, similar to
the counting converter, which is on the order of 2" clock cycles. However, for
slowly-varying input signals (i.e., for highly over sampled signals), the conversion
time can be quite fast and the digital output can track the analog input signal within
a few clock cycles. It is this property of these A/D converters that gave rise to the
adjectives tracking or servo.

7.7. INTEGRATING A/D CONVERTERS [18,20]

Integrating A/D converters are used when high accuracy is needed and low conver-
sion speed is acceptable. In integrating-type high-resolution A/D converters, an indi-
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rect conversion is performed by first converting the analog input signal to a time
interval whose duration is proportional to the input signal and then converting the
time duration into a digital number using an accurate clock and a digital counter.
The conversion time is slow because of the lengthy counting operation during the
time-to-digital conversion cycle. Single- and dual-ramp ADCs are examples of inte-
grating A/D converters. The dual-ramp ADC is specially suitable for digital voltme-
ter applications, where the relatively long conversion time provides the benefit of
reduced noise due to signal averaging.

A single-slope integrating A/D converter is shown in Fig. 7.38a. The circuit
consists of an integrator with a resetable feedback capacitor, a comparator, a
digital counter, and control logic. The integrator generates the accurate reference
ramp signal. Figure 7.38b shows the timing waveforms associated to a conversion
cycle. Prior to starting the conversion cycle, the digital counter is reset to zero
and the feedback capacitor of the integrator is discharged by closing the switch
Sr. At the moment the conversion starts, the switch S is opened, the input
signal vy, is applied to the noninverting input of the comparator, and the integrator
starts generating the ramp function applied to the inverting input. In the meantime,
the control logic enables the digital counter, which starts counting the clock
pulses. The counter continues counting the clock pulses, and the count accumulates
until the ramp voltage reaches the analog input level v,. At this time the
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Figure 7.38. (a) Basic structure of a single-slope A/D converter; (b) timing waveforms.
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Figure 7.38. (continued)

comparator changes state, stops the counter, and terminates the conversion cycle.
This process converts the analog input level to a time-interval duration that is
obtained by counting the input clock pulses. If — Vs represent the negative
reference voltage and RC the time constant of the integrator, the time # needed
for the ramp to reach the input signal level is

- RC Yin
i = RC Vo (7.13)
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The time #, as a function of the input clock period and the accumulated count n is
given by

t = nT,. (7.14)

Of course, n must be an integer number, the nearest to t,/T.. For N-bit resolution,
the full scale must be at least np = 2V, and for a given input level v, the accumulated
count n in the counter is

o N Hin
n=2 Ve (7.15)

Thus n is the quantized value and digital representation of the input signal. The
accuracy of the converter is a function of the time constant RC, the reference voltage
Vier» and the clock period.

Several nonideal effects are associated with the basic single-slope A/D converter
of Fig. 7.38. These include the offset voltage of the integrator op-amp and compara-
tor, the inaccuracies associated with the initial ramp startup point, and the accuracy
of the reference voltage and RC time constant. Improved circuit techniques can be
used to avoid these problems. One such circuit technique uses the principle of dual-
slope integration. This is one of the most popular techniques for high-accuracy
A/D converters and has been used extensively in practice.

The basic block diagram of the dual-slope converter is shown in Fig. 7.39a,
together with the integrator’s output voltage waveform. This type of converter offers
a significant advantage over the single-slope converters in that the conversion scale
factor will be independent of the integrator time constant and of the clock frequency.
The operation of the system is as follows. Prior to starting the conversion, the switch
S is closed, discharging the integrating capacitor C. At the same time, the counter
is reset and the switch S, connects the input of the integrator to the input voltage.
At the beginning of the conversion, switch Sr is opened and at the same time the
counter starts counting clock pulses. The integrator starts from a reset state and
integrates the input voltage for a predetermined period of time, normally equal to
2V clock cycles, which corresponds to the full count of the counter. At the end of
the first phase, the voltage at the output of the integrator is given by

v, = 2¥ X Te X ;—E,, (7.16)

where T¢ is the clock period of the counter and N in the resolution of the A/D
converter in bits.

In the second phase the counter is reset to zero and the input of the integrator is
switched to a reference voltage — V¢ which has the opposite polarity with respect
to the input signal. The integrator output is now ramping down while the counter
again counts the clock pulses starting from zero. When the integrator output reaches
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Figure 7.39. (a) Basic block diagram of dual-siope A/D converter; (b) integrator output
waveform.

zero, the comparator stops the counter. The counter content n is then stored in a
latch. Since in the second phase the integrator discharges from its initial voltage v,
to zero in a period t, = nTg, 1, is given by

wRC (7.17)

L, = nTe = —

ref
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Combining egs. (7.16) and (7.17), we have
n=2Nx 2o (7.18)

Therefore, the count stored in the digital counter at the end of phase 2 is the digital
equivalent of the analog input.

Figure 7.39b shows the output waveform of the integrator during phases 1 and
2. As noted earlier, the duration of phase 1 is fixed at 2VT¢, while the integrator
output slope varies with the magnitude of the input signal. The duration of phase
2, however, is variable, and the ramp slope is a constant determined by the fixed
value of the reference voltage.

The dual-slope A/D converter has several advantages over the single-slope con-
verter. The accuracy is independent of clock frequency and the integrator time con-
stant RC because they affect the up- and down-ramp voltages in the same way. The
differential linearity is excellent, because the digital counter generates all codes and
all codes are inherently present. The integration provides a rejection of high-fre-
quency noise and noise coupled through the power supplies. For example, if one
wishes to reject a specific frequency, such as 60 Hz and its harmonics, the integration
time should be 16.67 ms, which sets an upper limit of 30 Hz on the conversion rate.
This makes the dual-slope A/D converter suitable for high-accuracy applications
with low conversion rates.

The basic dual-slope converter shown in Fig. 7.39 has a major shortcoming: It
is sensitive to the comparator and operational amplifier offset voltages, which show
up as errors in the output digital word. Introducing auto-zeroing phases into the
conversion cycle can reduce the effect of these errors [19]. Using these techniques,
multiple-slope integrating A/D converters can be used in the 12- to 14-bit resolution
and linearity range.

PROBLEMS
7.1. For a unipolar 10-bit A/D converter, if v, = 2.376 V and Vi = 5V, deter-
mine the digital output code and the quantization error.

7.2. Design a 4-bit flash A/D converter similar to the one shown in Fig. 7.12.
Design the decoder logic for the 4-bit digital output code.

7.3. For the two-stage auto-zeroed comparator of Fig. 7.14a, draw the timing wave-
forms at the output of the first, second, and third inverters, based on the timing
shown in Fig. 7.14b. Assume that v, = 1 Vand V¢ = 1.1 V.

7.4. Prove Eq. (7.8) for the comparator of Fig. 7.20.

7.5. By analyzing the circuit of Fig. 7.28a five times, calculate the values v, in
the five conversion cycles of v, = 0.7Vies.
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Figure 7.40. Comparator offset elimination method (for Problem 7.7).

Analyze the effects of the stray capacitances C;, and C,;, between the top and
bottom plates of the capacitors and ground in Fig. 7.28a on the digital output.

The circuit of Fig. 7.40 can be used to eliminate the effect of the comparator
offset voltage in the D/A converter of Fig. 6.28a. Analyze the operation of
the circuit. Find the input referred offset voltage.

For the hybrid 8-bit A/D converter of Fig. 7.35, draw the timing waveforms
of the successive approximation. Include the sampling phase and eight consec-
utive cycles. Assume that |V,.] = 5V and v, = 3.1 V. Find the digital output
code.

For the N-bit resistive-string A/D converter of Fig. 7.34, find an expression
for the number of switches as a function of N.

For the 16-bit single-slope A/D converter of Fig. 7.384, what is the worst-
case conversion time if the clock frequency is 2 MHz?

Repeat Problem 7.10 for the dual-slope A/D converter of Fig. 3.39a.

For the 16-bit A/D converter of Fig. 7.384, determine the integrating resistor
R so that the output of the integrator never exceeds 5 V. Assume that 0 < v,
<5V, Ve =5V, C = 100 pF, and the clock rate is 2 MHz.
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CHAPTER 8

S —

PRACTICAL CONSIDERATIONS
AND DESIGN EXAMPLES

The design of low-cost and high-performance mixed-signal VLSI systems requires
compact and power-efficient analog and digital library cells. While the digital library
cells benefit from downscaling of the CMOS process technology, in contrast, analog
library cells, such as op-amps and comparators, cannot be designed using minimum-
length components, for reasons of gain, dc offset voltage, and other factors. Further-
more, the reduction of the power supply voltage in the tighter geometry technologies
does not necessarily result in lower power dissipation in the analog cells, mainly
because lower-voltage analog cells are more complex to design and they often require
a larger quiescent current.

In Chapters 4 and 5 design techniques for high-performance CMOS op-amps and
comparators were discussed in detail. In this chapter the design principles presented
earlier in the book are employed to work out several design examples to acquaint
the reader with the problems and trade-offs involved in op-amp and comparator
designs. Practical considerations in CMOS op-amp design such as dc biasing, sys-
tematic offset voltage, power supply, and substrate noise coupling are discussed in
some detail.

8.1. PRACTICAL CONSIDERATIONS IN CMOS OP-AMP DESIGN

In Section 4.1, several nonideal effects, which can degrade the performance of practi-
cal op-amps, were listed. The minimization of these effects is an important aspect
of op-amp design. The corresponding considerations are discussed briefly next for
the most important nonideal effects.
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|—
Vbias = a5 [, Q,

Figure 8.1. Two-stage CMOS op-amp.

1. Finite Gain. Earlier we discussed the available gain for various CMOS gain

stages and the special circuits that may be utilized, such as cascode devices,
to enhance the voltage gain without reducing the bandwidth.

Finite Linear Range. This question was also discussed briefly and circuits
were introduced (see, e.g., Figs. 3.15 and 3.16) for maximizing the allowable
signal swing.

Offset Voltage. As defined in Section 4.1, the input-referred offset voltage
Un.ofr 18 the differential input voltage needed to restore the output voltage v, to
zero. It contains two components: a systematic offset, which is due to improper
dimensions and/or bias conditions, and a random offset, which is due to the
random errors in the fabrication process, resulting, for example, in the mis-
match of ideally symmetrical devices.

To illustrate the generation of systematic offset (and ways to avoid it),
consider the simple two-stage CMOS op-amp shown in Fig. 8.1. The first
state (@, to Qs) is the differential-input/single-ended-output input stage intro-
duced in Fig. 3.42; the output stage is a single-ended gain stage with a driver
(s and a current-source load Q. Clearly, if the circuit has no systematic or
random offset, grounding both input terminals (as shown) results in v, =
0. Then if the output terminal is also grounded (as shown in Fig. 8.1), the
current /, in the grounding lead will also be zero. Thus the condition for zero
offset is equivalent to requiring that /, = 0 for grounded input and output
terminals; this in turn requires that Iy = ;.

Assuming symmetry in the input stage, (W/L), = (W/L), and (W/L); =
(W/L)s. Then all currents and voltages will also be symmetrical, and hence
Vpss = Vpsa. Then also Vgsy = Vige. If this value of Vigge results in I, being
equal to the source current I; when Vg = 0 — Vpp = — Vpp, then I, =
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0, as required. If this is not the case, then I, # 0 and systematic offset exists.
Specifically, let Vg denote the value of Vg needed to make Is equal to I;.
Then the input offset voltage is clearly

Vass — Vase _ Vgss — Vese @.1)

v =
in,off Ad Aa‘

where A, is the voltage gain of the inpur stage. For example, an error
of 0.1 V in the bias voltage of Qg will result in a 1-mV input offset if A, =
100.

Assuming that all devices are in saturation, and neglecting channel-length
modulation effects, the voltages of ; and Q4 can be expressed as

1;‘ Io/2
Vess = Vpss = Vpsa = Vg + m~ (8.2)

Here V7, is the threshold voltage of the p-channel devices (3 and Q,, and
k7, is the constant transconductance factor p,,C,,/2 of the drain-current equation
for PMOS devices. Similarly, for Qs,

Is
kp(W/L)g

Voss = Vip + (8.3)

Substituting Vs = Vgss and the required condition I = I; into Eq. (8.3)

yields
Vass = Vip + \/ e (8.4)
a3 = Ve T\ Wiy '

From Eqgs. (8.2) and (8.4), the condition

(W/L); _ Io/2
(W/L)s I

is obtained for zero offset.
Turning to Qs and Q-, since they have equal gate-to-source voltages, ne-
glecting channel-length modulation, we obtain

(W/L)s _ Iy
——— = 8.5
(W), Iy )
Combining the equations above, the design relations are
(WL _ (WL)s _ 1 (WA)s _ Iy 6)

(W/L)y ~ (W/L)e 2 (W/L), 2I3°
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Physically, if Eq. (8.6) is satisfied, the current I; induced in Q; by its gate-
to-source voltage V57 and the current /g induced in Q¢ by the gate-to-source
voltage Vgss = Vpss are the same, and hence v, = 0 is possible when Q¢
and @ are in saturation. If the gate-to-source voltages are not compatible and
the output terminal is open-circuited, v,,, assumes a nonzero value such that
the drain voltages of Q¢ and @ will compensate for the discrepancies of the
gate voltages. This may also result in Q¢ or Q; operating out of saturation. It
usually represents a major systematic offset voltage effect and may reduce
the gain and the bandwidth of the op-amp.

To minimize the effects of random process-induced channel-length varia-
tions on the matching of the devices, and thus the random offset, the channel
lengths of Q3, Q4, and Q¢ should be chosen equal. Then the current density
I,/W is the same for these devices when Eq. (8.6) is satisfied, and the required
current ratios are determined by the ratios of the widths. If ratios as large as
(or larger than) two are required, the wider transistor can be realized by the
parallel connection of two (or more) ‘‘unit transistors’’ of the size of the
narrower one. Note, however, that this process is in conflict with the guidelines
for the minimization of noise established in Section 4.7: According to those
rules, the transconductances of the load devices Qs and Q, should be low while
that of Qg should be high for high gain and good high-frequency response. The
channel lengths for all three devices 05, Q4, and Qs should be long for high
output impedance and high gain. While this helps to reduce the noise of Q3
and @, and increase the gain of the differential stage, it decreases the transcon-
ductance of Qg and hence reduces the gain of the second stage. Clearly, the
optimum trade-off among these conflicting requirements will vary from appli-
cation to application.

The random offset voltage will be affected by several factors, including
mismatch between the (ideally symmetrical) input devices Q, and O, and/or
between the load devices Q3 and Q. This can be caused either by geometrical
mismatch or by a process gradient causing different threshold voltages. As-
sume first that the current mirror ((3-Qy4) is imperfect, so that

I =31 — ey # I = 3(1 + e)lp. (8.7)
The differential voltage vg, — vg, needed at the input terminal to restore
symmetry is clearly

Upffl = €ilo . (8.8)
Bmi
Thus vy can be reduced by increasing the transconductance g, of the input
devices or by reducing the bias current /.
Assume next that the dimensions and the threshold voltages of the input
devices are mismatched while the load devices are symmetrical. Thus let

(W), = (1 — e)(W/L), (8.9)
I‘“‘"]1 = VTZ - AVT. {8.1{})
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Clearly, it requires an input offset voltage v,y = A V7 to cancel the effect
of the threshold voltage mismatch. The geometric mismatch causes a current
imbalance Al; = — €, = — €k (Vgsi — V). This can be balanced by
a change vy in vg such that

mitorn = 2k1(Vgs1 — Vr)uems = AL

= &k;(Vasi — V). (8.11)

SS gmi» With 8 = 0 and A = 0. From Eq.

_ e _ &4/ 12
Votts = 5 Ves1 — Vn) = 2 \| KWL, ° (8.12)

Therefore, v can be reduced (as could vyy;) by increasing (W/L);—and
thus g,,,—or by reducing I,. Both will reduce Vgs; — Vipy.

The variation of the threshold voltage A Vris independent of I, or W/L; it
depends only on process uniformity. It can be reduced by building @) and O,
from unit transistors arranged in a common-centroid structure [1, Chap. 6; 2].
. Common-Mode Rejection Ratio (CMRR). As defined in Section 4.1, CMRR
= AplAc, where Ap is the differential gain and Ac is the common-mode gain.
For the op-amp of Fig. 8.1, the common-mode rejection is provided by the
input stage. The value of the CMRR for this stage was found earlier and was
given by Eq. (3.88) as

CMRR = 2 &miém! (8.13)
Bofdi

As explained in Section 2.4, both g,,; and g, are proportional to \/E while
go and g, are proportional to /,. Thus the rejection ratio is inversely propor-
tional to /y. Values of 10? to 10* can readily be achieved, as Eq. (8.13) shows.
If a mismatch exists between O, and Q- such that g,,; = (1 + €)g,2, a
common-mode voltage v, will cause as much differential output voltage as a
differential input voltage (g 4i/gm: )ev. (Problem 8.1). Thus now we have CMRR
= gmil€84. This again illustrates the importance of making the input devices
symmetrical, using common-centroid geometry if necessary: A 1% mismatch
may lower the CMRR to 60 dB!
. Frequency Response, Slew Rate, Biasing, Power Dissipation. The require-
ments on the speed (i.e., high-frequency gain and slew rate) of a CMOS
amplifier depend very much on its application. In switched-capacitor circuits,
most op-amps drive capacitive loads only. The speed requirement is then
that the op-amp must be able to charge the load capacitance C;, and settle
to within a specified accuracy (usually, 0.1% of the final voltage) in a
specified time interval.
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Vss
Figure 8.2. CMOS op-amp with capacitive load.

Figure 8.2 shows the simple op-amp of Fig. 8.1 supplemented by a feedback
branch (Qg, C.) for compensation and driving a capacitive load C;. As ex-
plained in Section 4.6, the unity-gain bandwidth of the stage is given by wg
= gmilC.. A detailed analysis of the performance of a compensated op-amp
used to charge or discharge a capacitor reveals [3,4] that (in linear operation)
the condition on the unity-gain bandwidth,

_ 8mi 15
wo = G = (8.14)

is usually sufficient to guarantee adequate speed. Here T, is the time available
for recharging C;; for a two-phase circuit, usually 7, = ifc where f, is the
clock frequency.

The minimum value of g,,; is usually determined by the required dc gain
and by noise considerations. In addition, there is also an upper bound on g,/
C., based on the requirement that the second pole frequency |s,,| must be
considerably higher than wy. Often, |s,2| = 3wg is chosen. This, as derived
in (4.57) to (4.62), requires for our circuit that

C. -3¢, & | (8.15)

Emé6

A rule of thumb that usually results in a good compromise among all
requirements is to choose C. = C;. Then Eq. (8.14) gives a lower bound for
gmi and Eq. (8.15) a lower bound for g,,.

For large-signal operation, the slew rate S, of the input stage must also be
considered. From Eq. (4.94), S, = Iy/C.. For C. = (., the minimum value
of I (the bias current of the input stage) is thus determined. In addition, for
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the circuit of Fig. 8.2, the slew rate of the output also needs attention. For
positive-going v, the output current i is supplied by Q. The magnitude of
iy, is limited only by the size of Q¢, and that of v,, only by the vpgs needed
to keep Qg in saturation. For negative v,,, by contrast, the output stage must
sink the load current i;. This is performed by reducing Is below I, so that
Iﬁ = Ibias - |£L|.

The maximum value |i,| = I, is obtained when I, = 0, that is, when Q; 1s
cut off. The negative-going slew reate due to the output stage is then

o] _ e b-
o= Tar| =

C, (8.16)

This establishes the minimum value of /y,;,;. Note that by Egs. (4.56) and
(4.61), the transconductances of the output devices (here Q¢ and Q7) must be
large for stability. A large Jyi,s Will help to satisfy this with moderate-sized
Qs and Q5.

The dc power dissipated by the circuit of Fig. 8.1 in the quiescent state is
thus

(Vop — Vss)p + loias) = (Vpp — VesX(S,Ce + S0Cr)
—_ (VDD - V_gs)(sr + S,ﬁ)CL, (81‘7)

where C. = C has been set. Therefore, the higher the slew rates and the
larger C,, the more dc standby power is needed by the stage.

Using a class AB stage can often reduce the standby current of the output
stage. The resulting circuit was discussed earlier (cf. Fig. 4.15) and is repro-
duced in Fig. 8.3. The level-shifter stage (Qy and Q) should be dimensioned

Voo
vas - -
Q + 3 Q
3 —[" % sy Yasg |'6
l-----h
+ | -=Q
1 v 1 9
yooopf [fesedi® v,

CL

e 0 v ‘]}ir.u_-—._._.j"-l

_=I Q'?
Vbias - I M
Q v,
5 Qo GS7
Vss

Figure 8.3. CMOS op-amp with class AB output stage.
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such that the voltages vgse and vgsy, and hence the quiescent drain currents
of Qg and O, are not too large. Since signal voltages drive the gates of both
Q¢ and @, the load current can now be much larger than the bias current for
either positive- or negative-going v,y,. The minimum value of the output-dc
bias current is thus determined only by the requirement on the transconduct-
ances g6 and g,,; needed for a good phase margin.

The value of the standby current I}y will determine the locations of the
zero and the pole of the source follower Qy—Q)9, as given by Eq. (3.103).
Obviously, the pole (which is at a lower frequency) will result in a positive
phase shift, while the higher-frequency left-half-plane zero will cause a nega-
tive phase, resulting in a dip in the phase characteristic. The location of the
dip is determined by the frequency of the pole, and its depth and width by
the separation between the pole and the zero. The minimum value of 1), can
be thus determined such that the dip moves to a sufficiently high frequency
where it affects only slightly the phase shift of the stage at wy. This requirement
gives the minimum value of g,,0, and thus of the bias current /,o. Forcing the
zero as close to the pole as possible can reduce the depth of the dip. It is
worth mentioning that the source follower’s time response, due to the presence
of the pole—zero pair, will contain an exponential term. In this term the time
constant is determined by the pole frequency, while the amplitude (residue)
is determined by the difference between the pole and zero frequencies. Increas-
ing the pole frequency and reducing the distance between the pole and zero
will therefore improve the time response as well.

The voltage Vi, for the op-amps of Figs. 8.2 and 8.3 can be obtained
using the circuits of Section 3.1. In particular, for the op-amp of Fig. 8.1 a
supply-independent bias is desirable. This will keep Jy and Iy, independent
of the supply voltages, and hence the parameters, which affect the stability,
unchanged. (The dc power dissipation will, of course, vary with the supply
voltages.) Thus Vi, may be obtained from the circuit of Fig. 3.5.

For the circuit of Fig. 8.3, by contrast, supply-independent biasing can
cause problems. In particular, if I, remains constant with supply voltage varia-
tion, Vg3 does also; if I, remains constant, V5o does too. Hence in the expres-
sion for the gate-to-source voltage of Q5,

Vest = Vop + Vpsa — Vs — Vs = (Vpp — Vis)
+ (Vgss — Vo), (8.18)

(Vgss — Veso) is invariant of Vpp and Vsg. Therefore, all power supply
changes appear directly in Vgs7, and Q; can cut off if Vpp — Vss drops
significantly.

A suitable bias circuit for the op-amp of Fig. 8.3 is shown in Fig. 8.4.
When this circuit is used, the dimensions of the NMOS devices Qs, @)o, and
Q3 are obviously related by

(WAL)s _ Ip (W) _ Lo

(WAL)13  Let’ (WA et

(8.19)
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Figure 8.4. Bias circuit for the op-amp of Fig. 8.3.
In addition, the PMOS transistors Q1, @4, and @}, can be dimensioned such
that

WL _ (Wh)s _ lo/2
(W), (WL L

(8.20)

holds. Then we have
Vess = Vpss = Vesa = Vpsa = Vasni. (8.21)
In addition, we can dimension the NMOS devices Oy and @, so as to satisfy

(WAL)y Iy (W/L)yo

=7 : 22
WLz hee (W3~ (8.22)

This will cause Vggo = Vgs12, and using Eqgs. (8.18) and (8.21), we find that

VGS'? = VDD + VDS‘I - Vggg — V_gs = VQD + VGSII - VGSII - VSS

= Vhias — Vss = Vgsiz = Vess = Vasio- (8.23)

This matching of voltages is independent of Vpp and V.
Thus if I, is the desired value of the output bias current, we must choose
the dimensions of the NMOS devices Q7 and @3 to satisfy

Wiy _ I

W~ Tt ®.24)
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Finally, since clearly
Viese = Vpsa = Vpss = Vgss, (8.25)
we should also choose

WL I
WD~ Tt (8.26)

Note that this choice of dimensions will establish the desired bias currents
without introducing any systematic offset voltage. Assume now that the supply
voltages vary in the circuit. Then /¢ will change, and so will vgsi1, vgsi2,
and vgs)3. However, Q,,, 0,2, and @,3 will certainly continue to conduct; in
fact, they will all also remain in saturation since their gates and drains are
connected. But since the currents and gate-to-source voltages of Qs, Q0. and
(7 mirror those of Q,3, they too will conduct and remain in saturation. Also,
since the currents and gate-to-source voltages of Q5, Q4, and Qg mirror those
of @, these transistors will conduct and remain saturated. Finally, the conduc-
tion and saturation conditions of Qo follow from those of Q,,. Thus all transis-
tors have stabilized dc bias conditions, and the operation of the circuit will
be insensitive to process variations.

Nonzero Output Resistance. This is usually important only for the output am-
plifier of the overall circuit, which may have to drive a large capacitive and/
or resistive load. The low-frequency output resistance R, of the op-amp
without negative feedback (i.e., open loop) is on the order of r,/2 for an
unbuffered circuit, such as that shown in Fig. 8.2 or 8.3, Here r, is the drain
resistance of the output devices, on the order of 0.1 to 1 M{}. For a buffered
circuit (such as that shown in Fig. 4.12), the output impedance is around 1/
&m» wWhere g, is the transconductance of the output device; hence R, ~ 1 k(1.
In closed-loop operation, the effective output impedance is Ro,(1 — Acp)VA,
where A is the open-loop gain and Acy is the closed-loop gain (Problem 8.3).
Since usually A > 1000, the effective closed-loop impedance is around 1 k()
for unbuffered op-amps, and very low (on the order of a few ohms) for buffered
ones. This value is sufficiently low for most applications.

Noise and Dynamic Range. These subjects were discussed in some detail in
Section 4.7 for CMOS op-amps. Hence they are not analyzed here.

Power Supply Rejection. This is one of the most important nonideal effects
in MOS analog integrated circuits, for several reasons. First, several circuits
(some analog, some digital) may operate off the same power supply. Hence
a number of analog and digital signal currents can enter the supply lines. Since
these lines have nonzero impedances, digital and analog voltage noise will be
superimposed on the dc voltage provided by the supply. If the op-amp circuit
does not reject this noise, the noise will appear at its output, reducing the
signal/noise ratio and the dynamic range. Second, if switching regulators or dc
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voltage multipliers are used, a substantial amount of high-frequency switching
noise will be present on the supply line. Finally, the clock signals of the various
circuits fed from the same line will also usually appear superimposed on the
supply voltage with reduced but nonzero amplitude.

In a sampled-data circuit (such as a switched-capacitor circuit), all signals
are sampled periodically. This results in a frequency mixing, and as a result
the high-frequency noise will be ‘‘aliased’’ into the frequency band of the
signal. Hence any noise in the overall frequency range is detrimental if it can
enter the signal path.

The most likely path through which supply noise can be coupled to the
signal is via the op-amps. Thus a high value of the power supply rejection
ratio (PSRR), defined in Section 4.1 as the ratio of the open-loop differential
gain Ap and the noise gain A, from the supply to the op-amp output, is of
great importance.

At low frequencies, the supply noise is coupled into the op-amp mostly
through the bias circuits and can also enter due to the asymmetries in the
differential input stage. At high frequencies, on the other hand, the capacitive
branches mostly determine the noise gain. Consider the circuits of Figs. 8.2
and 8.3. At high frequencies, the compensation capacitor C. becomes nearly
a short circuit, and (since the drain—source resistance rg of Qg is small in the
linear region), the gate and drain voltages of Qs are nearly equal. As shown
in Fig. 8.5, therefore, the incremental output voltage due to the supply noise
Uy, 18

.‘31’:‘.;.“1 = Uy + AUG_% = Uy

since ugse = I7/gm7 is constant. Thus A, = 1, independent of frequency, for
this stage. The output impedance of Q4 driving C; with this noise voltage is
low, around 1/g,,¢. Since the open-loop gain A decreases with increasing
frequency at a rate of — 6 dB/octave while A, stays constant, the PSRR due
to noise in Vpp decreases at the same rate as Ap, reaching 0 dB near the unity-
gain frequency.

Vout

Figure 8.5. High-frequency model of the op-amp
output stage.
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* Vout

Ci)l
Vss '

Figure 8.6. Compensation scheme for improving the positive-supply PSRR.

The situation is more favorable with respect to noise on the Vg line. The
gain for noise entering via Qs is the low common-mode gain. Any noise
entering via Qo and @5 is added to the signal and attenuated at the same rate
(—6 dB/octave) as the signal by the load capacitor C; since now the noise
output impedance is high.

An effective technique [5) for increasing the PSRR for noise coming from
the positive supply is illustrated in Fig. 8.6. In contrast to the circuits of Figs.
8.2 and 8.3, where Qy operated as a linear resistor for both feedback and
feedforward signals, Qg is now biased in its saturation region. Hence in the
feedback direction (from w,,, through C, and Qj to the gate of Q) the resistance
is 1/g,,s, while viewed from node A the drain of Qg shows a high impedance
rqs. Thus, while the feedback (and also the compensation) remains functional,
the feedforward path for noise is interrupted. Specifically, if Vpp changes, the
source voltage of Qg does, too, and (as explained earlier) the gate voltage of
vge must follow. Now, however, the output terminal i1s not shorted to g,
and hence v, need not follow wges. This reduces A, considerably at high
frequencies.

The currents of the two sources / (needed to keep Qs in its saturated region)
must be carefully matched. This is possible using the strategy explained in
connection with Fig. 8.4. Any mismatch will introduce a systematic offset
voltage. Also, the impedance at node A is somewhat reduced and therefore
so 1s the gain of the input stage. Finally, due to the added devices, the internally
generated noise of the op-amp is increased; however, the effect of increased
PSRR usually outweighs this and the overall noise at the op-amp output is
reduced.

Another path for power supply noise injection is provided by the stray
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Figure 8.7. Parasitic capacitances affecting the summing node A of an integrator.

capacitances [6,7]. Consider the circuit of Fig. 8.7. It illustrates a typical
switched-capacitor integrator in one of its switched states. The two parallel-
connected transistors @, and Q, constitute the switch. The parasitic junction
capacitances coupling the drain of Q, and the source of Q, to the substrate,
as well as the stray capacitances between the lines connected to the inverting
input (node A) and the substrate and power lines, are illustrated as Cpp and Cgs.
(As shown, these capacitors contain both linear and nonlinear components.)
Consider the effect of v,p. Since node A is a virtual ground, the noise charge
entering is Cppu,p. This charge flows into Cr and causes an output noise
voltage — (Cpp/Cr)u,p. Thus the noise gain is — Cpp/Cr. Similarly, the noise
gain for v,s is — Css/Cr. Since the signal gain is vou/tin = —C\/CF, the
PSRR of the integrator is C;/(Css + Cpp).* Thus the PSRR can be increased
by minimizing the stray capacitances and by choosing the values of the capaci-
tors C; and Cr sufficiently large—the latter, of course, increases the overall
area occupied on the chip by the stage. To reduce the stray capacitances and
thereby the influence of the substrate noise, the dimensions of the switches
should be chosen as small as possible, and whenever feasible, all lines con-
nected to the input nodes of the op-amps should be shielded by grounded
polysilicon or diffusion planes placed between the lines and the substrates.
Parasitic capacitances inside the op-amp also contribute to the power supply
noise gain [7]. Consider the equivalent circuit of the op-amp with an external
feedback capacitor Cr, as shown in Fig. 8.8. The figure also illustrates the
stray capacitances Cgs and Cj, of the input device Q;. Noise in the positive
line will appear at the drains of Q3 and Q4, and from the former will be coupled
to the input node A via C,, and from there to the output via Cr. In addition,
variations of the bias current I, due to the noise in Vpp and Vgg will change
the gate-to-source voltages v,, of Q) and Q; by A vy, = (Alp/2)gm- The corre-
sponding change in the source voltages will be coupled to node A by Cg;.
Similarly, changes in Vg will alter the threshold voltage Vz, of Q; and 0,
unless these devices are placed in an isolated p well. The resulting change in

* This calculation assumes the worst-case condition that w,p and wu,s are fully correlated.
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Figure 8.8. Equivalent circuit of the op-amp connected as an integrator.

the source voltages will also be coupled to the input node by C,, and to the
output via Cr. Overall, it can be shown [7] that the relations

avm,. — EEE afo 1 + E}VT,, EEL aﬂj
dVss  Cr \0Vss 28 Vs Cr 28m 9Vss '’

avou,hggc_,(l ol 1)+QE_1 olp

Voo  Cr\ Vop 28m)  Cr 28mi 0V

(8.27)

give the power supply noise gains of the circuit. The terms containing oly/
dVss and 0lp/dVpp can be eliminated by using supply-independent biasing for
the current source I,. The dV7,/dVss term can be eliminated in CMOS ampli-
fiers by using a p well (n well for p-type input devices) for Q, and Q,,
connected to their sources.

If all the steps above are taken to reduce the noise gain, the remaining gain
i8 QUou/0Vpp = — Coa/Cr. This can, in principle, be reduced by making Q,
and @, small and/or Cr large. The former measure, however, results in an
increase of internally generated noise, while the latter increases the chip area
needed by the stage. A technique that eliminates the problem, at the cost of
a slightly reduced common-mode input range, is to use cascode circuitry (Fig.
8.9) in the input stage. The added devices Qs and Qg then buffer the drains
of 0, and @, from the variations of Vj, provided that Vy;, is independent of
the supply voltages.

OP-AMP DESIGN TECHNIQUES AND EXAMPLES

The design of MOS op-amps is not an exact scientific process. Typically, the circuit
must satisfy many requirements, often conflicting ones. The op-amp performance
parameters most often specified are collected in Table 8.1. Other important design
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Vss

Figure 8.9. Cascode CMOS differential input

stage.

TABLE 8.1. Op-Amp Performance Parameters

Relation to Other

Design Parameter Symbol Parameters® Typical Values

Low-_l‘requency open-loop Aq Zmi(8me + &m7) 10°-10°
gain (8ar + 8ai)(8as + 8a7)

Unity-gain frequency fo _Bmi_ fo = 1-10 MHz

2w,

Slew rate S, é_? 2-20 V/ps

Common-mode rejection - op 2 EmiBmi 60-80 dB
ratio Bas8ai

dc power drain Pdc (VDD_ If’:q_g}(fg + f;- + fm) 0.5-10 mW

Phase margin (open loop) b by > 60° for |s5,5] = 3w 45°-90°

Load impedance Ry, Cp None 1-100 k)

1-100 pF

“ The formulas in this column are given for the circuit of Fig. 8.3. Set g,,; and [, equal to zero to obtain

the relations for the amplifier of Fig. 8.2.
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criteria include the noise level, dynamic range, output impedance, and the area
occupied on the chip. The specific steps followed in the design depend on the applica-
tion, the circuit chosen, and the relative importance of the various criteria.

To illustrate the process, the devices in the circuit of Fig. 8.2 will be dimensioned
such that the following specifications are satisfied:

Low-frequency gain Ap = 70 dB
Unity-gain frequency fo = 2 MHz

Slew rate S, = 4 Vs
Common-mode rejection CMRR = 80 dB
Phase margin ' bar = 60°

Load impedance C. = 10 pF

dc supply voltages Vop = —Vss =35V

It will be assumed that the transconductance factor K’ & pwCo,/2 is 30 pA/V? for
the NMOS devices and 12 wA/V? for the PMOS devices. Also, the threshold voltages
are assumed tobe Vp,, = 1.2 Vand Vg, = —1 V.

As mentioned in Section 8.1, it is usual to choose the value of the compensation
capacitor C, equal to C;. Hence we set

C. = C, = 10 pF. (8.28)

For an adequate phase margin &,,, the frequency of the second pole s,,; of the open-
loop gain should be sufficiently higher than wy, the unity-gain frequency. As Fig.
4.22 shows, for |s,,| ~ 2wp the contribution of the factor jo — 5., to the phase at
w = wy is about 30°, and hence the phase margin is 60°. Thus |s,2| = 3w gives a
margin greater than 60°. The value of s,, can be found from the small-signal equiva-
lent circuit of the op-amp of Fig. 8.2, shown in Fig. 8.10. Alternatively, we can use
the formula (4.55) derived from the circuit of Fig. 4.28; here, however, we must
replace g,.s by gme (since Qg is now the output driver) and omit g,o (since (7, the

3 = _;._
rdg"' dg T Ca
Y8 G) -omglvg = Yout’
Re C¢
gm,; (v - v | Yout
= Tar 3 ch
-

i

Figure 8.10. Small-signal equivalent circuit of the op-amp of Fig. 8.2.
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lower output device, is used merely as a current source). Assuming that C4 < C;
= C; and gme > gar,

_ — 8ZmsCe _ _ 8me
12 = E.(C, + C) + C,C. C, (8.29)

results. Therefore, as already given in Eq. (8.15),

g 3‘ mi
Isp2] = E”-‘f = 3w = flc' (8.30)

is the design equation. This gives
8m6 = 38mi = 30oC. = 3 X 2m X 2 X 10° x 10~ (8.31)

and hence
2me = 377 X 107% A/V = 377 nA/V,

8.32)
Gmi = 125.7 pA/V. (

The specified slew rate requires that the bias current of the input stage satisfy

Iy = §,C. =4 x 10° x 107! = 40 pA. (8.33)

We can thus choose Iy = 40 pA.
As explained in Section 8.1 [see the discussion preceding Eq. (8.16)] the negative-
going slew-rate limitation due to the use of Q; as a current source is

lrins
So =< E—L . (8.34)

To make this effect small, we can set S, = 2.55, = 10 V/us. Then
Ioias = CiSo = 1071 x 107 = 100 pA. (8.35)

Such large current also enables the realization of the required large g..s Without an
excessive aspect ratio (W/L)g.
From Egq. (8.6), to avoid systematic offset voltage, the condition

WLy _ (WiL) _ 12
(W/ L)ﬁ (Wi)ﬁ lhias

must hold. Since, by Eq. (2.18) g,, is proportional to \/(W/L)ipo , Egs. (8.33) to
(8.36) give for the transconductance of the loads,

o _AJWly2 12 gme
Bl = 8m3 = &ma (W/LYolToias 8™ ~ Tyias 8™ ~ S (8.37)

= 754 pA/V.

1
=3 (8.36)
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At this point, an estimate of the low-frequency gain Ay and the common-mode
rejection ratio can be found. From Eq. (2.20) the drain conductance of a MOSFET
is approximately g, = Aip, where X is the channel-length modulation constant* (A
= 0.03 V™! for L = 10 um) and i, is the dc drain current. Hence, from Fig. 8.2
or Table 8.1,

Ag = EmiBm6 — Emilme
O (ga + 2iXgae + 8r) (Mo 2Npias)

_ 125.7 X 1076 x 377 x 106
(0.03 X 40 X 107%)(0.06 X 100 x 10™9)

(8.38)

= 6582,

which corresponds to over 76 dB gain. Similarly, from Eq. (3.88), the common-
mode rejection can be approximated as follows:

Bmilmi 23;":'3"::
CMRR = 2 = 8.39
8as8ai  (M)(Nl/2) (8.39)

2 X 1257 X 107 X 754 X 10°°
"~ (0.03 X 40 X 107%)(0.03 X 20 X 1079

= 26,327,

which corresponds to about an 88-dB common-mode rejection ratio.

Both values exceed the specifications. If this would not have been the case, the
specifications would have been inconsistent. This can be seen by using Egs. (8.29)
to (8.37) to express the parameters entering Ay and CMRR:

gmi = Cowy,
Iy = C.S,,
gme = 3woCy, (8.40)

rI:riﬂs = SrU'CLe

_ Iogms _ 3C:Suq
Eml thias 2Sr0 )

Hence
3wh
Ao = 3ig g 841)
CMRR = 1—6"}% = a4 (8.42)
~\Is S0 = 0- .

* Since, in fact, n- and p-channel devices have slightly different A values, this calculation gives only a
rough estimate of 4, and the CMRR.
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Thus both Ay and CMRR are fully determined by wq and the slew rates.* They can
be increased by choosing g,,; and g, (and hence the realized values of wg and |s,;|)
larger.

Next, the channel resistance rg of Qg is found so as to place the zero s, of A,(s)
at a desirable location. Simple analysis based on Fig. 8.10 shows that for the circuit
of Fig. 8.2 the zero is at

=1
(R — 1/gne)Cs’

(8.43)

Sz

and hence the required resistance is related to the desired zero location s, by the
formula

: + L (8.44)

-R(‘ - |S:|Cc gmﬁ .

As discussed in Section 4.4, there exist different strategies for choosing s.. One
possibility is to use 5, = s,,; another is to shift 5. to . For the former choice,
using Eq. (8.29) and C. = C,, we get

1 L2 = 5.3 k(). (8.45)

R, = +
¢ Ispiccl Em6 Emé6

For the latter case, R. = 1/g,6 = 2.65 k). (Note that an even larger phase margin
can be obtained by choosing |s| only slightly above wyg; |s.| ~ 1.2 wyg is usually a
reasonable value.) Here we choose the value given in Eq. (8.45). Note that Oy is
clearly in its linear region, since its gate is at Vgg while its dc drain-to-source voltage
is zero. Hence, by Eq. (2.6),

1

R,

dip| _ (E) _
dup| HCoxl 7 Elﬂass Vi

= 2;{3([“’35 - Upgl - IVTI)

(8.46)

Next, the design of the current sources Qs and Q5 is discussed. The aspect ratios
W/L of these transistors should not be too small since otherwise for the given currents
(o, Ibias) the required ‘‘excess’’ gate-to-source voltage (vgs — V) will be large.
This is inconvenient, since the voltages v and vy, (Fig. 8.2) are not allowed to drop
below Vg + vgs — Vrif Qs and Q5 are to stay in saturation. Hence a large vgs
— Vp for Qs and Q- restricts the voltage swing and thus the dynamic range of the

op-amp.

* In single-ended switched-capacitor circuits where the noninverting input is grounded, the CMRR as
such is not very important.
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On the other hand, the areas of Q5 and Q5 should not be too large, either. One
reason is that, of course, real estate is very expensive on the chip; the other, that a
large area for Qs increases the stray capacitance C,, across the current source. This
capacitance consists of two parallel-connected reverse-biased junction capacitances;
the drain-to-substrate capacitance of Qs, and the p-well-to-substrate capacitance of
Q) and Q. Cw causes a decrease of the CMRR at high frequencies, since then g s
in Eq. (8.39) is replaced by g5 + jo C,. Also, as explained in connection with
Figs. 442 to 4.44, C,, causes a distortion in the step response of the op-amp. A
large stray capacitance across Q,, caused by a large drain diffusion, will increase
C. and hence reduce the phase margin.

Thus a compromise should be found when Qs and @, are dimensioned. From
Eq. (2.8) the excess gate-to-source voltages are

(8.47)

Assuming again that k, = 30 pA/V? for the NMOS and k, = 12 wA/V? for the
PMOS devices, and allowing 0.5 V excess voltage for both Qs and Q;, we get

Iy 40
W) = 2 = 5 = 5.33,
kﬂ(vGSS VT) 30 x (0'5) {8.48)
1.
(W/Ly, = o =10 3

kn(vgsy — Vo2~ 20 X (0.5?

To avoid short-channel effects which occur for L < 10 pm and which would
increase the drain conductance g;, we choose Ls = L; = 10 pum. Then W5 = 54
pm and W; = 133 um can be used.

We can next calculate the aspect ratios of Q to Q4 and Qg from their transconduct-
ances. From Eq. (2.18), assuming that |Aup,| << 1, the transconductance is given by

8m = 2\ K (W/L)iY, . (8.49)

Hence the aspect ratios can be found from

2 2
Pen (125.7)
(WL, = (W/L), = 3 = = 6.58,
a2 ~ 4 X 30 X 20 (5.50)
g (154)

5.92,

(W/L); = (W/L)4 = 4ly/2 4 X 12 X 20 -

and by Eq. (8.36),
(W/L)e = 5(W/L); = 29.6. (8.51)
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Again choosing L = 10 pm for all transistors, W, = W, = 66 um, W3 = W, =
60 pm, and W, = 300 pm result. (Note that often noise considerations require that
the width of the input devices be chosen much larger, say 200 wm or more!)

Next, we can estimate the (common) dc bias voltages at the drains of @, to Q.
Since they all carry a dc current [y/2, we have

]

ips = EO = K(W/L)s(|Jvgss| — Ve (8.52)

Since the PMOS threshold voltage is Vyp = — 1V

_ N A/ 20
lvgss| = |Vire] + WD), 1 + T 1.527V (8.53)

Hence the drains of Q, to Q, are at a dc bias voltage Vpp — |vgs| =5 — 1.527
= 3473 V.

This is also the drain-and-source bias voltage vpg of Qg, and hence from Egs.
(8.45) and (8.46),

(W) —5 — 3473 — 1) = Ri,
¢ (8.54)
1

X 12 X 10°° X 5300 x 7473 ~ 032

(W/L)s =

Hence Wy = Lg = 10 wm can be used.

At this point the dimensions of all devices have been (tentatively) determined,
and we also know the values of all currents. The drain voltages of Q; and Q, have
been found; their sources are (for v, = w»§ = 0) at a voltage v such that

I
K(W/LY(—v — Vp,)? = 5”. (8.55)

which gives, for Vp,, = 1.2V,

v = Vo + \ 2w,
(8.56)

40
=12 + \/2 <30 X 66 1.518 V,

sov= —152V.

The only remaining task is to design a bias chain that provides Viia. In Eq. (8.48),
Qs and Q- have been dimensioned such that vggs = Vp, + 05V = L7 V. Thus
Ve = Vss + ugss = — 3.3 V. This can be achieved by the simple circuit shown
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Figure 8.11. Bias circuit for the op-amp of Fig.
8.2.

in Fig. 8.11. Choosing the current of the bias chain /, = 20 pA, the aspect ratios
of Qg and Q,, are easily found; since vggo = 0 — Vypias = 3.3 V and vgs10 = Vbias
— Vs = 1.7 V are known,

Iy
(W/L)e = 3
k:: U = Vm

(VGso Tn) 857)

= —“—520 = (.1512

30 x 2,12 ’
(W/L);o = L = 2.667 (8.58)

07 K(vesio — V) T '

Hence Wy = 10 um, Ly = 66 pm and Wy, = 27 pm, L, = 10 pwm can be used.

It should be noted that V,,,. and I, are insensitive to variations of Vpp but not
to changes in V. If Vgo — Vi = Vg + A Vg, then vgg9 and vggo also change,
such that

Ugso + tgsio = —Vss — AVss = |Vig)s (8.59)
and [, changes to
Iy = ko (vgso — Vrn)2 = kio (Vgsio — an)z- (8.60)

Here the prime denotes changed values.
From Eq. (8.60),

tgso = Vkioko (Ugsio — Vi) + Vi (8.61)
Combining with Eq. (8.59), and solving for vgge gives

, VilVkiokes — 1) — Vgs — AV
1 = .
o Vkioks + 1

(8.62)
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Thus a positive change of +0.1 V in Vg will change vgs10 by

—AVss
Vkioke + 1

Hence Vpias = Vss + vgsiochanges by 0.1 — 0.01915 = 0.081 V. The corresponding
changes in I, and Iy, can be found approximately from

ﬂ'ﬂggm = = —(0.01915 V. (863)

Aly = gms Avgss = &ms Avgsio

= 2\/ksly Augsio = —2V/30 X 5.4 X 40 X 0.01915  (8.64)
= —3.1 pA,

Alyias = gmrAvgsio = —2V/30 X 13.3 X 100 X 0.01915
= —17.7 pA.

(8.65)

If these changes are not acceptable, the bias-independent circuit of Fig. 4.4a can be
used to provide t) = Vpias-

To verify the accuracy of the design, the overall circuit was analyzed using the
popular program SPICE. Figure 8.12 shows the computed gain and phase responses
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Figure 8.12. Gain and phase responses for the op-amp of Fig. 8.2.
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Figure 8.13. Step response of the op-amp for a negative and a positive input step.

of the circuit under open-circuit conditions. The unity-gain bandwidth is about 2.5
MHz, the dc gain 84 dB, and the phase margin about 85°. Thus these specifications
are met. The closed-loop slew-rate (S,) performance of the unity-gain-connected
op-amp for a negative and positive input step is illustrated in Fig. 8.13. The maximum
slope gives S,; it is over 5 V/us in both directions. Hence this requirement is also
satisfied. Figure 8.14 illustrates the common-mode gain response. The required 80-
dB CMRR is clearly obtained across the full dc-to-unity-gain frequency range.

The systematic input offset voltage can be estimated from the output voltage
Vo for v, = 0 (Fig. 8.15) as Vi = 0.2 mV. This is very low and likely to be
negligible compared to the random offset. For illustration, the gains for noise entering
via the positive (Vpp) (Fig. 8.16) as well as the negative (Vss) supplies (Fig. 8.17)
are also shown. As predicted in Section 8.1, the supply rejection becomes a problem
at higher frequencies; at wy the PSRR is near 0 dB.

The layout geometry of the op-amp has important effects on its rise time, over-
shoot, and high-frequency response as well as on its sensitivity to process variations
and its offset voltage. To achieve good step response and high-frequency response,
the components of the amplifier must be arranged so as to minimize the line lengths,
especially for lines connecting high-impedance nodes. The devices and lines of the
input and output stages should be well separated, to avoid spurious feedback effects.
If the nominal design of the op-amp is done carefully, so that no systematic voltage
offset exists, some random offset may still occur due to errors in the ratios of
(nominally) matched components. For example, as discussed in Section 8.1 [see Eq.
(8.11)], a relative error € in the matching of the aspect ratios of the input devices



8.2, OP-AMP DESIGN TECHNIQUES AND EXAMPLES 327

1 i I

L) -

(=] B (=] =]
L L L

common mode gain (dB)
g &

8

4
o]

3

10 100 1k 10k 100k M 10M 100M
frequency (Hz)

Figure 8.14. Common-mode gain frequency response.

=

results in an input-referred offset voltage vyr = € (vgs — Vr)/2, where vgs and Vy
are the gate-to-source and threshold voltages of the input devices, respectively. For
example, if ugs — Vr = 1 V and € = 1%, an offset voltage of 5 mV results from
this single imperfection. This may be unacceptable in some circuits. Similarly, a
matching error A V- between the threshold voltages of the input devices results in an
offset voltage equal to A V7. Again, this may give an impractically large offset. To
minimize these errors, both the input devices and their loads should be placed side by
side, with identical geometries, including all connecting lines. Maiched devices re-
quire sharing the same well. Only straight-line channels should be used, since the ge-
ometry of corners of bent channels is poorly controlled. If high accuracy and a low
offset voltage are required, it is advisable to split both input and load devices into two
or more unit transistors connected in parallel and arrange them in a common centroid
geometry similar to that used for accurate capacitance matching. If a heat source (e.g.,
high-current output stage) is near the matched elements, the latter should be located
symmetrically with respect to it, to ensure matched temperatures.

— \rozvoff

Figure 8.15. Circuit to estimate input dc offset
= voltage.
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Figure 8.16. V,, noise gain response for the op-amp of Fig. 8.2.
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Figure 8.17. V,, noise gain response for the op-amp of Fig. 8.2
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The circuit geometry also has some effect on the internally generated noise. Thus,
as already mentioned, the 1/f noise may be reduced by using larger input devices
in the op-amps; choosing larger capacitors can reduce the wideband and aliased
noise. Also, it was observed that very short devices introduce ‘‘hot electron’ noise
if operated at large voltages [8). This should be avoided by using increased channel
lengths for such devices.

As an illustration of efficient layout procedure, the layout of the simple two-
stage compensated CMOS op-amp of Fig. 8.2 is illustrated in Fig. 8.18 for a self-
aligned silicon-gate p-well process. Note the common centroid layout and the sym-
metry of the matched devices (Q,-Q> and Q3—0Q,), the short connecting lines, the
separation of the input and output lines, and the compact arrangement of the overall
structure, resulting in a small total op-amp area.

Next, we repeat the design for the same specifications but using the circuit of
Fig. 8.3 with its class AB output stage. Again, we select C. = C; = 10 pF, and
since wy = gmi/Cc, gmi 1S given by Eq. (8.32), as before. Also, [ (determined by the
slew rate and C,) remains the same, as given by Eq. (8.33). By the argument leading
earlier to Eq. (8.48), (W/L)s = 5.4 can again be used. To obtain the specified CMRR,
from Eqs. (3.88) and (2.20),

8as8ai _ 1na (Mo)(Mo/2)
gm = (CMRR) 28mi 10 28mi

(0.03)%(40 x 10~%)*

77X 2 X 1257 X 10°5 ~ 286 pA/V. (8.66)

= 10*

Hence the values given in Eq. (8.37) remain suitable. In conclusion, the dimensions
of the input stage can remain unchanged for the new circuit, since they are determined
by the (unchanged) requirements on wyp, S,, C.. and CMRR.

Using Eq. (4.56) and changing subscripts appropriately, the second pole

L + m
Spp = — SaTLS? . (8.67)

Hence, for |s,,] = 3wy, now the relation
8m6 + 8m1 = 38mi = 377 pANV (8.68)

must be satisfied. To determine g, and g, individually, we note that is = i; and
hence the bias voltages must satisfy

ke(|vass| = |Vro))* = kolvgsr — Vi)™ (8.69)
Furthermore,
Ucse = Upss = Ugsz = —1.527, (8.70)

as given in Eq. (8.53), since the input stage remained unchanged. Also, as suggested
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in Eq. (8.23), the bias voltages and currents can be made insensitive to process
variations if vgsr = Ugss = Ugsio = Vbias — Vss = — 3.3 + 5 + 1.7 V is chosen.
Hence, using Eq. (2.18) and (8.69),

3m&=2\'k6i2_ ke vgs1 — Vi

Bm1 k2 " Nk uessl — |Vayl

L7 - 12
= 1527 — 1

= (.9488. (8.71)

Combining Egs. (8.68) and (8.71), we obtain

gms = 183.5 pA/V,

(8.72)
gm1 = 193.5 pA/V.

To avoid systematic offset, as discussed in connection with Eq. (8.6), we must
have

(WAL, ks _ 8

W) ~ ks~ B ®.73)
Hence also
PR AVY SV S Y I )
= =—==3="3- (8.74)
8mé Nk Ko I s
Since, from Eqgs. (8.37) and (8.72),
8m3 _ 754 _
P = 1835 0.4108 (8.75)

and Iy/2 = 20 pA, we find that iy = 49 pA. Also, from (W/L); = 6, (W/L) =
14.6. Hence Lg = 10 pum and Wg = 146 pum can be used.

Next, since i = i2 = 49 pA,

g7 _ (19357
458 T 4 X 30 X 49

(W/L); = 6.37. (8.76)

Therefore, we can choose L; = 10 pm and W7 = 64 pm.
Finally, the transistors Qy and Qo of the level shifter will be dimensioned. As
before, i§ = i{, leads to

ko(vgse — Vrn)* = kio (vasio — V)™ (8.77)
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Here, as Fig. 8.3 shows, vgee = Vpp — Vs + vpsa — vgyr = 10 — 1.527 — 1.7
=677 V and vg510 = vgsy = 1.7 V. Hence

ﬁ - (UG.sm - Vi
ko UGss — Vi

2

) = 8.058 x 1073 (8.78)

The transconductance g,,9 of Qs can be found from the phase shift introduced
by the pole—zero pair due to the stray capacitances loading the source terminal of
(5. Since the source follower Qy—Q)¢ drives these, the pole and zero are located
near s,3 = — gmo/C,. Estimating (pessimistically) C, = 0.5 pF, and requiring |sp;|
= 3wg to make the contribution of this pole to the phase at wg small, we obtain

gmo = 3woCp = 3 X 2w X 2 X 10% x 0.5 x 107"

= 19 nA/V. (8.79
From
8mo = 2V koi§ = 2k (W/L)o(vGse — Vin)s (8.80)
we find that
Wh)s = S oo — Vi)~ 2 X 30 X 677 — 12)
= ().05685. (8.81)
Hence Wo = 10 pm and Ly = 176 wm can be used. From Eq. (8.78),
(WIL)1o = WiL)o _ 5 06, (8.82)
kolkio

Therefore, Lyy = 10 wm and W, = 71 um can be chosen. The common current
of Qg and g 1s then

i§ = o = K(W/WL)o(vesio — Vi)’
~ 53 pA. (8.83)

As explained in Section 8.1, the bias chain circuit of Fig. 8.4 can bias this circuit.
The design formulas for the aspect ratios have been derived in Section 8.1 and given
by Eqs. (8.19) to (8.25). Choosing I, = Ip/2 = 20 pA, we get

W/L
(WLys = Wis(hetlo) = 2% = 27,
(W) = (W/L)3(2ei/To) = (W/L)3 = 6, (8.84)
(W/L),2 = (W/L)o(Ie¢T\p) = 0.05685 X g—g

= ().02145.
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Hence we canuse L;; = 10, W;, = 60, L, = 466, W, = 10,and L3 = 10, W3
= 27, all in pm.

The compensation branch of the circuit remains unchanged if we again choose
s, = 5pz. This is because s, remained at — 3w, and the dc potential of the drain
of Qg also remained the same. Hence we can once again use Wy = Lg = 10 pm.

SPICE analysis of the class AB amplifier with the aspect ratios calculated above
indicates that the dc bias voltage of the output terminal is unsuitable for proper
operation. Its value is too low (about —4.5 V) to allow Q5 to saturate. This occurs
only under open-circuit conditions and is a consequence of the simplifying assump-
tions, primarily the neglect of the channel-length modulation factor (1 + Awvps),
made in the calculations. The problem is an artificial one, since the circuit never
functions without a dc load and/or feedback. Adding a 1-M() load resistor between
the output terminal and ground, or a feedback resistor of (say) 100 M{) between
the inverting input terminal (v;; ) and the output terminal of the op-amp, the output
voltage returns to a value sufficient to keep both Qg and Q5 in saturation.

As an exercise in design, however, as well as a way to show how to reduce
systematic offset, we are next going to redesign the output stage so as to obtain a
satisfactory dc bias value for v, even under open-circuit conditions. The SPICE
analysis for the circuit gave vgss = —1.572 V, vgsez = 1.821 V, and il =i =
74 pA. To achieve vy, = 0 V while retaining the values of vgss, vgs7, and i§ =
i9, we must have, by Eq. (2.11),

K, (WIL)e(vgse — V1p) (1 — AVss)
= K(WILyvgss — V)1 + AVpp) = ig. (8.85)

This relation now includes the channel-length modulation effect and is hence more
accurate.

Substituting A = 0.03 V™!, as well as the given values, (W/L)s = 16.4 and
(WIL), = 50/9 results. Thus Wy = 164 pm, Ly = 10 pm, W; = 50 pm, and L,
= O um can be used. The resulting output bias voltage is only 0.04 V.

Figure 8.19 shows the gain and phase responses of the redesigned circuit under
open-circuited output conditions. The unity-gain bandwidth is again near 2.5 MHz,
while the dc gain is over 90 dB. The phase margin is over 83° this is more than
adequate and indicates that the bias current of Qg, @7, Q9, and @ (and thus their
transconductances) can be reduced and still adequate stability maintained. This was
not atiempted. The common-mode gain response is shown in Fig. 8.20, the CMRR
is over 80 dB across the full frequency range 0 to w. The systematic input-referred
offset voltage is negligible.

The slew-rate performance of the op-amp for positive and negative voltage input
steps was computed and was found to be around 5 V/ps for both polarities. The gain
response for Vpp and Vg noise are illustrated in Figs. 8.21 and 8.22, respectively. The
layout of the op-amp of Fig. 8.3 is illustrated in Fig. 8.23.

The design of a 3-V CMOS single-stage folded-cascade op-amp is presented
next. The design will be based on a 0.6-pm silicon-gate bulk CMOS n-well process.
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Figure 8.19. Gain and phase response of the op-amp of Fig. 8.3.
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Figure 8.20. Common-mode gain response of the op-amp of Fig. 8.3.
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335



PRACTICAL CONSIDERATIONS AND DESIGN EXAMPLES

336

T T

549

| ol iy
§ LIXTRVET

Huy

feis

PTYTT
Laad

e
Gt

P U LY

FLUOVOUUU DO VDL UL LG U R UL B L LU L Lt bttt

.r
1
E

I3

_....ke_n..,n..wm
LU IAR B e
i (et At
B LUt
T £F F L P EF AP G 2 L
A s eI TR T TR

L

UL Y
Sy

£ &7 LF LA B B LA LSRR L) G B

WUV VY

YRR U U
Jlere

e

o ——— T e e ——

LY
5

TN

oo

D P A A ]
_wwﬁwﬁ,mwfrmnkquﬁwnu v .Mﬁwﬁuw : L
PRLUO PN YU DOV I L Lt b ﬁ.ﬁh%mkﬁm ittt b S T Y R ST T T T YR
SO Y UG U : e R T T T DI P RSy e P s e s it
Bty s b i bt v i Rt ST R
;&Mﬁttfttkﬁtﬂ%#&ﬁ#ﬁktttfswﬁnr&tgtfnnfﬁﬁxbwﬂtr
LA At AR LA
whnwm.mmrkaaaz

L L e S
b i N R AW W W N N, e
YN UL VRO D UG VL UM U LG UG DG L Ol L
St S bbbt A AL LA A bt s R T
s Gttt b b d Al Al AL A b kg
r%ﬁb&kﬁﬁk&ﬂfﬁ!ﬁftﬁﬁﬁlﬂﬂﬂ oL 2
T I
& HUBUNG VO M ROV O TY
0 U U

vt by

ved

t&ku‘w

gfodo UTE
e#ﬁﬂ%qcﬁ#n&taaecagﬁew#
%N

L8

LR TR T TR SR TN T TR RN TRV
L LA B B2 B S BX N B0 00 0 B8 20 A0 2 L b Bl 8

...;zgz._
Voo eRvLLeT

v _ UL LT BHRUY YOy
PP ARSIt A g

F ¢ ) ; £ ) ; 2 X L & £ L, ¢ - 4 &
..!F.lt.l..tilv_.,-.nkll..x...’!:l:l!.li.‘lwujll.&].iif.%l.l.‘.l. iﬂ.l!livﬂllﬁ..l.n-bll.l!h-,....

el 305 S otk he ol b b bbb S-S P o
WD CEUOU G UR RO OU L O D L U]

128 g TR T

LU LU O L M L e
ittt ot A
UG WO L U e by

b »

vruvvsdepouLLUbLLTLLOLLLLl

e

iy

oo g TR S TR R T T E Y e Y
bbbt At A At gt Ty
VOO G RO G RB VT U ORI R Y e b b
i % ) e R )
VLRV O ML VU RO U N U U D VO LG U B R G U

WO G B T U O U S B B b b U
GGG B L O b L 2 G

S TR S AT R
AR AT T

pﬂﬁ. o R T T T 5

ey

cutvud
X 27 R7E PR

......

R

R T g AR SRS e

Ty

T e

RN

-

R B

=~
i
[

LILF

S

o

-
& -
*
. a o »
. ,"
s
.
)
o8
» _nw
W . .'
.M
i
ﬁ ........ D LTy I E
ﬂw: g ]
_._1” L
R
,J”.
L
I &
—.
e
Iy
i
L
et
b}
._‘._h : o
e i® A
s "
L R e gy ey ey . iy ey e R e & e — — —

Figure 8.23. Layout of the two-stage class AB CMOS op-amp of Fig. 8.3.
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Figure 8.24. Folded-cascode single-stage op-amp.

The single-stage folded-cascode op-amp was discussed earlier (cf. Fig. 4.10) and is
reproduced in Fig. 8.24. The devices in the circuit of Fig. 8.24 are dimensioned
such that the following specifications are satisfied:

Low-frequency gain Ap = 65 dB

Unity-gain frequency fo = 5 MHz

Slew rate S, = 10 V/ps

Phase margin by = 60°

Load impedance C. = 10 pF

dc supply voltages Vop =3V, Vg =0V

It will be assumed that the transconductance factor & & wC,,/2 is 55 pA/V? for
NMOS and 22 pA/V? for the PMOS transistors. Also, the threshold voltages are
assumed to be V4, = 0.8 Vand Vy,, = —0.9 V. The op-amp performance parameters
are summarized in Table 8.2.

For the specified slew rate it is necessary that the bias current of the input stage

satisfy
Iy = §,C, = 10 X 10° x 10 X 1072 = 100 pA. (8.86)

We can then choose Iy = 150 pA.

TABLE 8.2. Single-Stage Folded-Cascode Op-Amp Performance Parameters

Lﬂw-ﬁ'ﬁ]’llenc}' (}Pen'lmp gaiﬂ AO = gmlfng-: Ve Faz " Bmac Vadc r1f4-}

Unity-gain frequency fo = Sl
L

Slew rate S, = .
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Figure 8.25. A Vjg-based bias generator for the folded- r Ij
cascode op-amp. =
For a unity-gain frequency of 5 MHz we should choose g,,; from
8m = fo X 2WCy, = 5 X 10° X 2w X 1072 X 10 = 314 pA/V.
(8.87)

The transconductance of the input devices is given by

~ /(W
gt =2 “F(I)' /2 (8.88)

Hence the aspect ratios of the input devices can be found from

W\ (W _ e _ (314)* N
m. - (Lw)z T T ax22 x5 (8.89)

choosing L = 2 pm for the transistors; W, = W, = 30 pum results. Note that noise
considerations require the width of the input devices to be chosen larger, say W,
= W, = 200 pm or more,

Based on the values above, a A Vggbased supply-independent bias circuit will
be designed to operate the op-amp with maximum output voltage swing. Since the
power supply is 3 V, there is not enough headroom to use the high-performance
cascode-load bias generator circuit shown in Fig. 3.6b. Therefore, the supply-inde-
pendent bias generator of Fig. 3.6a will be used instead. The bias circuit is shown
in Fig. 8.25, where M = 8. If we set the bias standby current l;,,, to 75 pA, from
Eq. (3.13) we have

_AVge _ VyIn(M) _ 26 X 1073 X In(8)

R = T T 75 % 10-° = 720 (1. (8.90)
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For transistors (o to Q53 in the bias generator, we choose L = 2 um for the channel
lengths and W = 80 pm for the channel widths.

The complete op-amp and the bias generator are shown in Fig. 8.26. Transistors
Q,4 and Q,3 form current mirrors and are used to bias all devices in the op-amp.
The currents in Qs and Q¢ are 75 pA. If we select (W/L),¢ = 80/2, then for Qs
and Qg to carry 150 pA we have (W/L)s = (WI/L)s = 160/2. For ease of physical
layout we should also choose (W/L),. = (W/L),. = 160/2. To maximize the output
voltage swing the W/L ratio of Qs can be calculated from Eq. (4.15) and is given
by

(8.91)

160 27
2 T2

T
Ll,s 3+ 2V2 L, '

In order to bias Qs and O slightly above the saturation voltage, we will select (W/
L),s = 25/2. If the W/L ratios of Q3, Q4, Q3. and Q4 are also selected as 160/2,
then from Eq. (4.14) we have

HRSRRES
L,, 4 L/, 2

Once again to ensure that Q5 and Q. both operate well in the saturation region, the
WI/L ratio of Q»g will be selected as (W/L),s = 38/2. Finally, the W/L ratio of 7
will be selected as 160/2, which will set the op-amp tail current to 150 pA.

As discussed earlier, the capacitive load acts as the compensation capacitor for
the op-amp. The larger the capacitive load, the greater the phase margin and narrower
the unity gain frequency of the op-amp.

To verify the accuracy of the design, the overall circuit was analyzed using SPICE.
The results of the analysis showed that (Vps)gs = (Vps)gs = 157 mV and (Vps)gs

40
35 (8.92)

B

= (VDS}Q3 = —205 mV. while (Vﬂsat)QS = (V.Dsal)ﬂﬁ = 144 mV and (me)m
= (Vpsw)gs = —199 mV. Thus @5, Q4, Os, and Q¢ were all biased on the edge
of the saturation region. Also since (Vpsa)gac = — 196 mV and (Vpsardgac = 93

mV, the output voltage range is given by

(Uout)range. = VDD - (Vdgal)gs - (Vdsat)QZc + (Vdsa.l)Qd + (Vdsat)Qéh: = 2362V
(8.93)

Voo + (Vpsados + (Vbsadgac = You = (Vpsadgs + (Visadgze,
(9.94)

which simplifies to

2599 V = g, < 0.237 V. (8.95)
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Figure 8.27. Open-loop gain and phase response of the op-amp of Fig. 8.26.

Utilizing the improved biasing scheme provides maximum signal swing at the op-
amp output.

Figure 8.27 shows the computed gain and phase responses of the circuit under
open-loop conditions. The unity-gain bandwidth is about 10 MHz, the dc gain 70
dB, and the phase margin 79°. So the target specifications are met. The slew-rate
(S,) performance is illustrated in Fig. 8.28. The maximum slew rate for negative
and positive inputs steps are 11.5 V/ps. Hence this requirement is also satisfied. To
estimate the systematic dc offset voltage, the op-amps was connected as a unity-
gain buffer with the positive input connected to 1.5 V; the output was estimated at
1.5003 V, which corresponds to a 0.3-mV systematic dc offset voltage. This is very
low and likely to be negligible compared to the random offset. The A Vpg-based
bias generator of Fig. 8.25 needs a startup circuit, which is not shown. In the actual
implementation a startup circuit similar to the one shown in Fig. 3.5 is highly recom-
mended. Figure 8.29 shows the physical layout of the single-stage folded-cascode
op-amp of Fig. 8.26.

The next example discusses a buffered CMOS op-amp that is able to drive a small
resistive load on the order of 50 {). This example consists of the combination of the
unbuffered single-stage folded-cascode op-amp of Fig. 8.26 and the output stage of
Fig. 4.72. The design will be based on the same performance specification of the previ-
ous example with the added requirement that the op-amp will be driving a 50-{) resis-
tive lead with a signal swing of 2 V for a 3-V (£ 1.5-V) dc supply voltage.
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Figure 8.28. Step response of the op-amp of Fig. 8.26 for negative and positive steps.

The schematic of the buffered op-amp is shown in Fig. 8.30a, where devices Qg
to 1, have been added to the circuit of Fig. 8.28 to form the output stage. The bias
circuit is shown in Fig. 8.30b. It has also been modified by adding devices Q3 to
QOss to provide bias voltages for the output stage. Next, the devices in the output
stage and bias circuit will be dimensioned to satisfy the output drive requirements.

In steady state the current through transistor Q4 and Q.. (I = 75 pA) is equally
divided between Qg and Qo, so that each carries a current equal to 37.5 pA. From

Eqgs. (4.127) and (4.128) we have
8 31

i

by choosing

(E) , (8.98)
26

W) 1 W)
-1 =315 - 8.99
(L 3 2 (L 23 (99
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Hence O3, and Qs and Q54 and @y, will have the same gate-to-source voltage and
will carry the same drain currents, equal to I, = 37.5 pA. Therefore, as described
in Section 4.9 and given by Eq. (4.129), the standby current of the output devices
Qo and Q), is given by

_ (W),
(W/L)3,

(W/L)1o

o (W/L)3s

X 375 pA = X 37.5 pA. (8.100)

The external load resistance R; determines the load current and thus the dimen-
sions of the output devices 0, and Q;,. Assume that the resistance of the load R,
that is ac coupled to the output of the op-amp is 50 (2. Then for an output signal
with 2-V peak-to-peak voltage swings, the op-amp output varies from 0.5 to 2.5 V.
The maximum source and sink currents may be calculated from

1V
Link = Lsource = 50 O = 20 mA. (8.101)

During the negative half-cycle of the output voltage swing, the drain of transistor
Qio pulls to 0.5 V and its gate is pulled up toward the positive supply Vpp. To keep
the gain-stage output devices in the saturation region, the gate voltage positive swing
should be limited to Vpp + 2(Vpsa)gs + (Vps)gs = 2.5 V. In this range the NMOS
transistor Qo will operate in the linear region and its current can be calculated from

Eq. (2.10) as
%') (2.5 + 0.8 — 0—;) X 0.5
Q10

(8.102)

(Ip)oro = 20 X 1073 = 55 X 107% x

or

(Ip)oro = 20 X 1073 = 3.9875 X 1077 X (%l) . (8.103)
Q10

The W/L ratio of Qo can now be calculated from Eq. (8.103) and is given by

— = 502. (8.104)
(:')Q]l}

For Lo = 0.8 pm from Eq. (8.104) we have W, = 400 pm.
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The dimensions of the p-channel output device can be calculated using the same
procedure. Again, using Eq. (2.10), we have

(Ip)oiy = 201072 = 22 X 107°%x|+ -25 + 09 + 0.5 X (—0.5)
L ol 2
(8.105)
or

(Ip)onn = 20 X 1073 = 1.485 X 107° X (%) . (8.106)
o1

So for L;; = 0.8 wm from Eq. (8.106) we have W;; = 1100 pm.
Assuming a standby current of 300 pA in the output stage, the aspect ratios of
03, and (5 can be calculated from Eq. (8.100):

37.5 1

(W/L)s, = (W/L);, X 300 = 3 X (W/L),, (8.107)
375 1 )

(W/L)3s = (W/L)p X 300 ~ 8 X (W/L)0. (8.108)

Hence L3; = L3s = 0.8 um, W35 = 50 pum, and W3, = 137.5 pum can be used.

The only remaining task is to design the bias chain consisting of devices Oy,
031, O3z and Qs3, Os4, O35. The dimensions of Q3; and Q44 should be selected such
that devices Q30 and @3, remain in saturation. To meet this condition the following
two equations should be satisfied:

Vop — (Vags)gas — (Vaslois = — (Vpsadgsa, (8.109)

Voo + (Vas)oa + (Vas)esz = (Vpsadgso- (8.110)

The physical layout of the op-amp can be considerably simplified if the dimensions
of @3, and Q4 are selected the same as Q3; and Qis. This assumption will be
validated later.

Figure 8.30a shows the buffered op-amp with the two feedback branches (Ro,
Co and R, C,,) added for frequency compensation. As explained in Section 8.1,
the unity-gain bandwidth of the op-amp is given by wy = g,,//C., where C. = Cq
+ C. and g, is the transconductance of the input device pair. The value of the
compensation capacitance C. can be determined from knowledge of the op-amp
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unity-gain bandwidth and the transconductance of the input device pair. For vy, =
27w X 5 X 10° (5 MHz bandwidth) and

o = 2/ o_ 1\ 22 5 1070 x 20 x 75 x 107¢

= 8.12 X 1074 A/V,

the compensation capacitor can be calculated as C, = 8.12 X 107%Q2m X 5 X
10%) = 26 pF. Assuming that the two compensation capacitors are equal, we have
CrO = Cc| =13 pF

At this point the dimensions of all devices have been (tentatively) determined,
and we also know the value of all currents. To verify the accuracy of the design,
the overall circuit was analyzed using SPICE. Figure 8.31 shows plots of the gain
and phase responses under open-loop conditions. The dc gain without load resistance
is 107.9 dB, the unity-gain bandwidth is 8 MHz, and the phase margin about 90°.
The final device aspect ratios are shown in Fig. 8.30a. Based on a worst-case analysis,
in order to satisfy the minimum load current requirements, the widths of the output
devices Q¢ and Q,; were increased to W, = 800 pm and W;; = 1100 pm,
respectively. Additionally, the dimensions of Q35 and @3, were modified based on
Egs. (8.107) and (8.108), to W35 = 100 pm and W3, = 200 pm. Finally, the choices
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Figure 8.31. Gain and phase responses of the op-amp of Fig. 8.30a.
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Figure 8.32. Test circuit to compute the output drive performance.

Wy = W3 = Wi, = 200 pm and Wy = W34 = W35 = 100 pm were verified to
satisfy the conditions given by Egs. (8.109) and (8.110). The output drive perfor-
mance of the op-amp was computed by using the inverting-gain test circuit illustrated
in Fig. 8.32. The output of the test circuit for a sine-wave input signal with 2-V
peak-to-peak amplitude is shown in Fig. 8.33.

In the examples above, the assumption is made that the currents in two transistors
with equal gate-to-source and drain-to-source voltages have the same ratio as their

input

251

volt

15 4

05+ ™

time (milliseconds)

Figure 8.33. Output response of the inverting gain test circuit of Fig. 8.32.
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dimensions. One such example is the current in transistor Q,o, which is designed
to be eight times the current of Qss. In practice due to mask, photolithographic, and
etch variations there are differences in the drawn values of W and L. In other words,
it is not guaranteed that a transistor with an aspect ratio of W/L = 1600/0.8 will
carry eight times the current of another transistor with an aspect ratio of W/L =
200/0.8 even if they both have the same gate-to-source and drain-to-source voltages.
For improved performance, the proper layout technique is to implement the 1:8
aspect ratio using eight duplicates of a unit transistor. This way tolerances of L and
W will not affect the current ratio. This strategy should be used in all current mirrors
used to multiply current and function as a current amplifier.

8.3. COMPARATOR DESIGN TECHNIQUES AND EXAMPLES

In this section, design procedures for two types of comparators are discussed. Once
again the design will be based on the 0.6 pm n-well CMOS process of Section 8.2.
In the first example the task is to design the three-stage direct-coupled comparator
of Fig. 5.19 to switch state with a minimum overdrive voltage on the order of 250
RV in less than 200 ns. In the worst case the input will change from a level that
drives the comparator to some initial saturated condition, to an opposite level barely
in excess of 250 wV. The schematic of the three-stage direct-coupled comparator
with a Vgg-based bias generator is shown in Fig. 8.34, It consists of two direct-
coupled resistive-load differential gain stages followed by a two-stage differential
comparator.

After the comparison phase, the output swing of the comparator should be equal
to the full power supply voltage, Vpp = 3 V. As a result, the overall gain of the
comparator must be at least (3 V/250 pV) = 12,000 V/V. If the third comparator
stage provides a minimum gain of 60, the required combined gain from the first
two stages will be 200, or 1/200 = 14.2 for each of the first two stages. The response
time of the third-stage differential comparator is largely determined by its parasitic
capacitances, the currents supplied by transistors Q7 and Qy9, and the amount of
the overdrive voltage available at the input of the differential stage. The bias current
is given by

= 100 pA. (8.111)

Assuming that (W/L),; = (W/L),o = (W/L)g, the currents of transistors (7 and
Q9 will be 100 pA. We will choose the dimensions of the input-stage source-
COUPIEd transistors as Ly =Ly = 1 pm and W, = Wiy = 200 I, and L5 =
Lig = Lig =2 pm and Wis = Wi = Wiy = 40 pLm for transistors Q;s, @6, and
Q3. Since the overall gain of the first two stages is approximately A, = 200, so a
250-pV differential signal at the input of the first stage will appear as a 50-mV
overdrive signal at the input of the third stage. It was verified through SPICE simula-
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tion that a differential overdrive signal of 50 mV will cause the third-stage compara-
tor to switch in less than 50 ns.

The next step in the design process is to select component and current values for
the two resistive-load differential amplifiers. Using (W/L)e = (W/L),; = 2(WI/L)s,
the differential stage tail currents will be I = 2 X 100 = 200 pA. Then if we
choose R, = R, = Ry = Ry = Ry = 7000§, the voltage drop across the loads of
the differential amplifiers will be Vg, = 7000 X (200 X 107%)/2 = 0.7 V. This
results in an output bias voltage of V, = 3 — 0.7 = 2.3 V, which is an adequate
value for a 3-V power supply voltage. In addition, the maximum output voltage
swing of the differential stage is a well-controlled value given by AV, = 200 X
107% X 7000 = 1.4 V. The gain of the resistive-load differential amplifier was
derived earlier and is given by Eq. (5.12) as

Ag = BmiRL, (8.112)

where g,,; is the transconductance of the NMOS input devices. For the target gain
of A; = 14.2 the transconductance can be calculated from Eq. (8.112) as

=142 -3
8mi = 3000 — 2.03 X 107~ mhos. (8.113)

Using the transconductance factor for the NMOS transistor given in Section 8.2
(k, = 55 X 107° wA/V?), the aspect ratios of the input devices can be calculated
from the following relationship:

8mi = 2V k(W/L)L,, (8.114)

where I; = Iy/2 = 100 pA. Substituting the value of g,;, = 2.03 X 107° mhos
into Eq. (8.114), the W/L ratio can be calculated as (W/L); = 182, Once again, using
a channel length of L, = 1 wm for all input-stage source-coupled devices results in
W, = Wy = W, = W, = 182 um for the channel widths. For simplicity and
added margin, the channel widths were increased to 200 pm.

The response time of the resistive-load differential amplifier is determined mainly
by the resistance of the load and the parasitic capacitances connected to the output
nodes. The parasitics include the junction capacitances of the drain diffusion and
the gate-to-source (Cg;) capacitances of the devices that load the output node. For
the comparator of Fig. 8.34 an estimate of the total capacitances at the output of
the differential stage is 1.5 pF. Hence the transient response time constant of each
differential amplifier is on the order of 7 = 1.5 X 107!2 X 7000 = 10.5 ns,
which is well within the limits of the required 200-ns response time.

At this point the dimensions of all devices have been determined and the schematic
of the three-stage comparator and the corresponding device sizes are shown in Fig.
8.34. To verify the accuracy of the design a SPICE simulation was carried out to
analyze the circuit. A single power supply voltage of 3 V was used and one input
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Figure 8.35. Response of the comparator of Fig. 8.34 to a 250-p.V overdrive.

of the comparator was connected to 1.5 V, which was considered to be analog
ground. For a worst-case condition, the input overdrive was varied from 0 V (heavily
saturated condition) to 1.50025 V (250 .V above the 1.5-V reference ground voli-
age). The actual result of the SPICE simulation is illustrated in Fig. 8.35. As the
figure shows, the response time is on the order of 105 ns, which is clearly well
within the required 200-ns design limit.

The last example of this section deals with the design of a comparator with
hysteresis. The hysteresis is a characteristic of the comparator which changes the
input threshold voltage as a function of the output level. Comparators with hysteresis
were discussed in Section 5.4. The purpose of this example is to design a comparator
with 76-mV hysteresis based on the regenerative differential amplifier of Fig. 5.23.
The complete schematic of the comparator with the output stage and a Vge-based
bias generator is shown in Fig. 8.36. The bias current was calculated in the preceding
example as Iz = 100 pA. Assuming that (W/L), = 2 (W/L),e, the tail current of
the regenerative differential amplifier will be I, = 200 pA. We next choose the
dimensions of the input source-coupled device pairs as W; = W, = 100 um and
Ly = L, = 2 pm. For simplicity we assume that plus (+ 1.5 V) and minus (—1.5
V) supplies are used and that the gate of O is tied to analog ground (0 V). Thus
the purpose of this example is to calculate the dimensions of the remaining devices
so that the comparator exhibits positive and negative threshold points of + 38 mV
and —38 mV, respectively.
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Figure 8.36. Comparator with hysteresis.

The trigger points of the regenerative comparator of Fig. 8.36 were calculated
in Chapter 5 as Eqgs. (5.28) and (5.29) and is repeated here for convenience:

Iy \ﬂ"——l

k.(W/L); \/

Viig = — Vg = (8.115)

where the (W/L), represent the aspect ratio of the input devices and « = (W/L)s/
(WIL); = (W/L) /(WIL)4. Using the transistor device parameters given in Section
82 (K, = 55 X 10~% A/V?), we have

200 X 1079 Va - 1
0.038 = \/55 X 107% % (100/2) \/T 3 & (8.116)
Simplifying Eq. (8.116) and solving for \/a, we get
a — 2.04051 Vo + 1 = 0. (8.117)

Solving Eq. (8.117) yields a = 1.5. Using this value of «, the aspect ratio of the
load transistors can be calculated from the following relationship:

(WL)s _ (W/L)s

= Wi = (Wi, ~ 8.118)

Using L = 2 pm for all transistors in Eq. (8.118) results in the following relationship
between the channel widths:

Ws = We = 1L.5W; = 1.5W,. (8.119)
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Figure 8.37. Simulation results of the comparator of Fig. 8.36 with hysteresis.

Next, using W3 = W, = 40 um, the widths of transistors Qs and Q¢ can be calculated
from Eq. (8.119) as Ws = Wy = 60 pm. Finally, a reascnable choice for the widths
of the transistors in the differential to single-ended converter is

Wg = W3 = Wy = Wy = 40 um,
WQ=W|0=40'.LH'I.

(8.120)

where, once again, L = 2 pm has been assumed for the lengths of all transistors
in the output stage.

In this example the aspect ratios of the devices were selected in such a way that
Eq. (8.118) was satisfied. The choices of the actual device dimensions, however,
were somewhat arbitrary. Another criterion that was ignored in this analysis is the
comparator transient response time. The sizes of the devices determine the values
of the parasitic capacitances at the critical nodes, which affect the transient response.
Imposing a requirement on the minimum response time sets an additional condition
that can be used for the optimum selection of the device dimensions.

The circuit of Fig. 8.36 was simulated on SPICE and the simulation results are
illustrated in Fig. 8.37. Notice that as the input starts from a negative value and
goes positive, the output does not make a transition until the input reaches the
positive threshold, 38 mV. Once the output switches state, the effective threshold
is changed to —38 mV. When the input returns in the direction of its original
negative value, the output does not change until the input reaches the negative trip
point of —38 mV. The amount of the hysteresis should normally be equal to or
greater than the largest expected noise amplitude.
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Figure 8.38. Op-amp with nonzero output impedance (Problem 8.4).

PROBLEMS

8.1. In the input stage of the circuit of Fig. 8.2, assume that () and (J; are impertectly
matched such that g,,, = (1 + €)g... Show that if a common-mode voltage
v exists at the input, the corresponding CMRR is (1/elg,../ea.

8.2. Prove Eq. {8.17) for the circuit of Fig. 8.1.

8.3. Find the dc offset voltage of the op-amp of Fig. 8.6 if the currents of the two
sources shown as I are mismatched by €,

8.4. Show that in the circuit of Fig. 8.38. the effective output impedance is R, =
{—A, + 1MA, where A. = — Z5/Z; 15 the closed-loop gain of the stage. Assume
that A = | and R,,/4 < |Z,| and |Z;
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Acceptors, 18
ADC, see Analog-to-digital converter
A/D converter, see Analog-to-digital converter
Analog-to-digital converter (ADC):
basic principles, 255-263
differential nonlinearity (DNL), 261
gain error, 261
integral nonlinearity (INL), 261
linear conversion range, 258
missing code error, 261
offset error, 260
quantization error, 258
signal to noise ratio (SNR), 260
white noise, 260
charge redistribution, 284
counting and tracking. 294-295
flash, 9. 263-270
integrating, 295-300
intermeshed ladder subranging, 278
interpolating flash, 257, 270-273
low-speed converters, 257
Nyquist rate converters, 257
over-sampling, 14
resistor-capacitor hybrid, 284
resistor-string circuit, 284
servo, 295
single-slope, 257
subranging, 274
successive approximation, 9, 257, 282-294
two-step flash, 273-282
Amplitude modulator, see Modulators

Analog systems, 1-2
Auto-zeroing comparator, 177-182

Band-gap reference voltage, 45

Bias circuits, 48-55
delta-VBE based, 53
supply independent, 50-53
temperature dependence, 53
threshold-based, 50
VBE-based, 51

Bode plot, 114

Body effect, 29-30

Bubble errors in flash ADCs, 265

Built-in-voltage, 20

Bulk, 23

Cascode:
current source, 59
high-swing, 61
improved high-swing, 62
gain stage, 68
frequency response, 91
Channel, 23
Channel-length modulation, 25
Charge-mode DACs, 231-234
single-stage, 231
two-stage, 233
Charge redistribution ADCs, 290-291
Clock-feedthrough, 140, 183, 268
Clock period, 3
CMFB, see Common mode feedback
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CMOS:
differential stage with cascode load, 102
process, 44-45
CMR, see Common mode range
CMRR, see Common-mode-rejection-ratio
Common centroid, 327
Common-mode range (CMR), 126
differential stage, 127-128
single stage cascode op-amp, 129-131
Common-mode feedback (CMFB), 142-143
continuous-time, 143-147
switched-capacitor, 147-148
Common-mode rejection ratio (CMRR), 96,
307
Comparators:
auto-zeroing, 177-182
cascaded inverters, 180
differential, 182-192
fully differential, 198-205
offset, 175
-canceled, 185-186, 198
overdrive, 177-182
regenerative, 192-197
resistive load, 190
switched-capacitor, 181-187
Counting ADCs, 295
Current mirrors, 55-63
cascode current source, 59
high-swing cascode current source, 61
improved high-swing cascode current
source, 62
Wilson current-source, 57
Current-mode DACs, 238-244
segmented, 244-252

DAC, see Digital-to-analog converter
D/A converters, see Digital-to-analog
converters
Delta-sigma:
converter, 14, 214
modulator, 15
Depletion:
mode FET, 28
region, 20
Dielectric constant, 21
Differential amplifier, 77-84
Differential comparators, 182-191
gain enhanced, 188
offset-canceled, 185-186
regenerative, 192-197
resistive-load, 190
swiiched-capacitor, 187-189
Differential nonlinearity in DACs, 218
Differential nonlinearity error (DNL), 261

Differential stage constant g, 169-170
Diffusion, 19
Digital systems, 1
Digital-to-analog converter (DAC):
basic principles, 214-218
differential nonlinearity (DNL), 218
gain error, 218
integral nonlinearity (INL), 216
least significant bit (LSB), 215
LSB, see Least significant bit
monotonicity, 218
most significant bit (MSB), 215
MSB, see Most significant bit
offset binary code, 215-216
offset error, 215
one’s complement code, 215-216
sign magnitude code, 215-216
two's complement code, 215-216
charge mode, 231-234
current mode, 238-244
delta-sigma, 214
hybrid, 234-238
intermeshed ladder, 221-222
Nyquist rate, 214
over-sampling, 214
resistive ladder, 219-221
segmented current mode, 244-252
voltage mode, 218-231
DNL, see Differential nonlinearity
Dopants, 18
Drain, 23
Drift, 23
Dual-slope converters, 257
Dynamic hystercsis, 193
Dynamic latches, 205
Dynamic range, 312
of CMOS op-amps, 126-132

Flash A/D converters, 263-270
bubble errors, 265
interpolating, 270-273
thermometer code, 263
Folded cascode single stage op-amp, 104-106
Frequency compensation, 112, 116, 156, 162,
167
Frequency response, 97, 307
of MOS amplifiers, 84-92
cascode stage, 87
differential stage, 91
source follower, 89
with active load, 85
Full-wave rectifier, 9
Fully differential amplifier, 12, 140-148
Fully differential comparators, 198-205



Fully differential op-amps, 140-148
common-mode feedback, 142-143

Gain error;
in ADCs, 261
in DACs, 218

Gain margin, 114

Gain stages, 63-74
active load, 65
cascode, 68
double cascode, 71
frequency response, 84
MOS transistor load, 64
resistive load, 63

Gate, 23

Hole, 18
Hybrid:
DACs, 234-238
resister-capacitor ADCs, 292-293
Hysteresis, 193

IGFET, 28
Impact ionization, 40
INL, see Integral nonlinearity error
Input offset storage (10S), 198
Integral nonlinearity:
in ADCs, 261
in DACs, 218
Integral nonlinearity error (INL), 261
Integrating ADCs, 295-300
dual-slope, 296, 298
single-slope, 296
Interpolating converter, 257
Interpolating flash ADCs, 270-273
Inversion layer, 23
108, see Input offset storage

JFET. 2%

Latches. 205-208

dynamic. 105
Latch-up, 41
Least significant bit (LSB). 215
Linear conversion range, 258
Loop gain, 113
LSB, see Least significant bit

Metal-oxide-semiconductors (MOS), 21
Miller capacitance, 200

Miller effect, 68

Missing code error in ADCs, 261
Mobility, 24

Modulators, 6
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Monotonicity in DACs, 218
MOS, see Metal oxide semiconductor
structure, 21
capacitor, 21
transistors, 21-27
units and constants for, 30
MOSFET, see MOS transistor
MOS transistor (MOSFET):
body effect, 29-30
bulk, 23
depletion mode, 28
drain, 23
current relations for, 31
inversion layer, 23
linear region, 24
n-channel, 25
parasitic capacitances, 33-36
source, 22
substrate, 23
threshold voltage, 23
units and constants for, 30
Most significant bit (MSB), 215
MSB. see Most significant bit

n-channel transistor (NMOS), 25
Nested-Miller compensation, 112-124
NMOS. see nchannel transistor
Noise in CMOS op-amps, 137-140
Noise in MOSFETs, 41-44

flicker 1/f noise, 44

shot-noise, 41

thermal noise, 42
Nois¢ in op-amps, 97, 312
n-well. 45

Offset binary code, 215216
Offset error in ADCs, 260
Offset errors in DACs, 215
Offset voltage, 96
Offset-canceled comparators, 185-186, 198
One’s complement code, 215-216
QOS, see Output offset storage
Op-amps, see Operational amplifiers
Operational amplifiers (Op-Amps), 95-100
compensation, 112-126
dynamic range, 126-132
finite gain, 304
finite linear range, 304
fully differential, 12, 140-148
noise, 137-140
offset voltage, 304
output stages, 149-164
practical considerations, 303
rail-to-rail input stages, 164-170
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Operational amplifiers (Op-Amps)
(Continued)
random offset, 304
slew rate, 133-137
systematic offset, 304
transient response, 133
Output offset storage (00S), 200
Output stages, 149-164
class AB, 149
combined class AB and class B, 159-160
complementary push-pull, 156
push-pull, 156, 162
Output voltage swing, 127
two-stage op-amp, 129
Over-sampling converter, 14, 214

Parasitic capacitances, 33-39

PCA, see Programmable capacitor array

p-channel transistor, see PMOS

Peak detector, 9

Permitivity, 21

Phase margin, 114

Pinch-off, 25

Pinch-off voltage, 29

PMOS, 26

pn junction, 18

Pole splitting capacitor, 112, 156, 162, 167

compensation, 117-121

Power-supply rejection (PSR), 312

Power-supply rejection ratio (PSRR), 99, 313

Programmable capacitor array (PCA), 9,
231-232

PSR, see Power supply rejection

PSRR. see Power supply rejection ratio

Quantization error, 258

Rail-to-rail input stages, 164-170
Rectifiers, see Full-wave rectifier
Regenerative comparators, 192-197
Relative permitivity, see Dielectric constant
Replica biasing, 190

Resistive-load differential stages, 190-191

Sample-and-hold circuit, 228-229

SAR, see Successive approximation register

Saturation, 25

Saturation current, 20

SC, see Switched-capacitor branch:
Switched-capacitor circuits:
Switched-capacitor filters

Schmitt triggers, 192-197

Segmented current mode DAC, 244-252

self-calibrating, 248-252
Self-calibrating current DACs, 248-252
Semiconductors, 17-21

n-type, 18

p-type, 18
Servo ADCs, 295
Sign magnitude code, 215-216
Signal-to-Noise Ratio (SNR), 260
Single-slope converters, 257
Single-stage operational amplifiers, 100-106
Slew-rate, 307

of op-amps, 97, 133-137
SNR, see Signal-to-noise ratio
Source, 22

followers, 74-76
Stability and compensation of CMOS

amplifiers, 112-126
Subranging ADCs, 274
Substrate, 23
Sub-threshold region, see Weak inversion
Successive approximation ADC, 257,
282-284
Successive Approximation Register (SAR),

- 282
Switched-capacitor:

branch, 3

circuits. 3

comparators, 182-187

filters, 4, 6

sample-and-hold circuit, 228

inverting amplifier, 228
non-inverting amplifier, 228

Thermometer code, 263
Thermometer-type decoder, 239
Threshold voltage, 23

Transient response of op-amps, 133

Two's complement code, 215-216

Two stage operational amplifiers, 106-112

Unity gain frequency, 114, 132

Voltage-mode DACs, 218-231
intermeshed ladder, 221-222
resistive ladder, 219-221]
two-stage, 222-227

Voltage reference, 45

Weak inversion, 39
White noise, 42
Wilson's current source, 57

Zero nulling resistor, 156, 162, 167



