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SUMMARY

A systematic circuit design of operational amplifiers is presented. It is
shown that the topology of all operational amplifiers can be divided in
nine main overall configurations. These configurations range from one
gain stage up to four or more gain stages. Many famous designs are
completely evaluated.

High-frequency compensation techniques are presented for all nine
configurations. Special focus is on low-power low-voltage architectures
with rail-to-rail input and output ranges.

The design of fully differential operational amplifiers and operational
floating amplifiers is being developed. Also, the characterization of
operational amplifiers by macromodels and error matrices is presented,
together with measurement techniques for their parameters.

Problems and simulation exercises have been supplied for self-evaluation.






INTRODUCTION

The goal of this book is to equip the circuit designer with a proper
understanding of the theory and design of operational amplifiers
(OpAmps). The core of the book presents the systematically design of
operational amplifiers. All operational amplifiers can be classified into a
periodic system of nine main overall configurations. This division enables
the designer to quickly recognise, understand, and choose optimal
configurations.

Chapter 1 defines four basic types of operational amplifiers on the basis
of the external ground connections of the input and output ports of
generalized linear active network elements. Whether an input or output
port needs to be isolated from ground has a big impact on the circuit
design of the input and output stages, as will be shown in later chapters.

A complete set of linear parameters, by which each of the above four
basic types of operational amplifiers can be quantified, is given in
Chapter 2. This provides the reader with a sense of which parameters are
most important. Chapter 2 also presents macromodels and measurement
techniques for OpAmp parameters.

A systematic treatment of sources of errors in important applications of
the above four basic types of operational amplifiers is presented in
Chapter 3.

Input stages are evaluated in Chapter 4. Important aspects such as bias,
offset, noise, and common-mode rejection are considered. Low-voltage
input stages with a rail-to-rail input voltage range are extensively
discussed.

A classification of push-pull output stages is presented in Chapter 5.
Three possible topologies are explored: voltage follower stages,
compound stages, and rail-to-rail general amplifier stages. Designs are
presented with feedforward and feedback biasing class-AB techniques.
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Emphasis is on voltage and current efficiency.

A classification of operational amplifiers into nine main overall
configurations is presented in Chapter 6. The classification consists of
two two-stage OpAmps, six three-stage OpAmps, and one four- or multi-
stage OpAmp. High-frequency compensation techniques are developed
for all configurations ranging from one gain stage up to four or more gain
stages. Methods are presented for obtaining a maximum bandwidth over
power ratio for certain capacitive load conditions. Slew-rate and
distortion are also considered.

Chapter 7 presents design examples of each of the nine main configur-
ations. Many well-known OpAmps are fully elaborated. Among them are
simple CMOS OpAmps, high-frequency bipolar OpAmps, Precision
bipolar and BiCMOS OpAmps, low-voltage CMOS and bipolar OpAmps,
and OpAmps with a high output drive capability in CMOS as well as in
BiCMOS technology.

The design of fully differential operational amplifiers with common-mode
feedback is developed in Chapter 8. Special focus is on low-voltage
architectures.

When the output port as well as input port are designed such that they are
both isolated from ground, the most universal linear active network
element is created: the operational floating amplifier. The concept of this
OpAmp gives the designer the freedom to work with current signals as
well as voltage signals. Realizations of operational floating amplifiers are
developed in Chapter 9 also in relation to instrumentation amplifiers.

Problems and simulation exercises have been supplied for most of the
chapters to facilitate self-evaluation of the understanding and design skills
of the user of this book.



NOTATION

OpAmp  operational amplifier

OA operational amplifier

OIA operational inverting amplifier
OVA operational voltage amplifier
OCA operational current amplifier
OFA operational floating amplifier
GA general amplifier stage

VF voltage follower stage

CF current follower stage

M current mirror stage

1A instrumentation amplifier

a temperature coefficient

A, voltage gain

A, DC voltage gain

Y4 current gain of bipolar transistor
B, voltage attenuation of feedback network
C capacitor value

C, specific capacitance of gate oxide
Cy Miller capacitor value

Cy parallel capacitor value

D distortion

f frequency

fr transit frequency of a transistor
£ zero-dB frequency

8 transconductance of a transistor

small-signal current
current

bias current
collector current
drain current
emitter current
supply current
quiescent current

RONV’!NK;?'U,\'CS\‘U'?‘ s
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k Boltzman's Constant

K = uC, W/L

L length of gate in MOS transistors

M CMOS transistor

R resistor value

S signal

S, slew rate

T generalized transistor

0 bipolar transistor

12 small-signal voltage

Vv voltage

Vi bias voltage

Vee positive supply voltage with bipolar transistors
Voo positive supply voltage with MOS transistors
Vi negative supply voltage with bipolar transistors
Vs generator voltage

Vs gate-source voltage

Vor active gate-source voltage (Vie-Viy)

Vs total-supply voltage

Ven negative supply voltage

Vep positive supply voltage

Vs negative supply voltage with MOS transistors
Vi thermal voltage kT/q

Viy threshold voltage of MOS device

w width of gate in MOS transistors

© mobility of change carriers

Extrinsic device parameters
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Intrinsic Small-signal transistor parameters

Tas Tee ¥o
rgs rbe
rs 1,

Cas Cce
Cgs Cbe
Em 8m

B M’p
b, B,






1. DEFINITION OF OPERATIONAL AMPLIFIERS

Nullor Concept

In 1954 Tellegen introduced the concept of a universal active network
element under the name of "ideal amplifier” [1.1]. The name "nullor",
generally accepted now, was given to it by Carlin in 1964 [1.2]. The
symbol of a nullor is shown in Fig. 1.1.

+ +
%4 Z
Vi 1i> 0 nullor o (Io Vo

]

+ p— -+
Vy I1> passive network b Vs
- ¢_____ _g -

Fig. 1.1: A two-port network composed of a passive network and a
nullor

The nullor is defined as a two-port network element whose ports are
called input and output ports and whose input voltage V, and input current
I, are both zero, so:

Vi

I

4

=0, (1.1)
=0

The nullor concept only has significance if a passive network external to
the nullor provides for a feedback from the output port into the input port
[1.3]. The output voltage V, and the output current /, will be determined
by the passive network elements in such a way that the input
requirements V;=0, [,=0 are satisfied.

An accurate signal transfer requires, firstly, accurate passive components
and secondly, a practical nullor realization which approximates V,=0,
1,=0.
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This implies that the nullor realization should have a high gain, a low
input noise, and low offset voltage and current (see Chap. 2.1). All linear
and non-linear analog transfer functions can be implemented with nullor
realizations and passive components.

Classification based on number of floating ports

We will now classify four nullor types on the basis of the number of ports
which are floating, beginning with both ports grounded and ending with
both ports floating. There are two main reasons for this kind of
classification. Firstly, the larger the number of ports which are grounded
the simpler the construction of the active device will be. Secondly, the
larger the number of grounded ports the lower the number of possible
feedback topologies will be allowed.

We will give each of the four nullor types a name which will be
explained later. The first one with two grounded ports will be called
operational inverting amplifier (OIA). The second one with the input port
floating and output port grounded will be called operational voltage
amplifier (OVA). The third one with the input port grounded and output
port floating will be called operational current amplifier (OCA). Finally,
the fourth one with both ports floating will be called operational floating
amplifier (OFA). The adjective "operational” was coined by John R.
Ragazzini and his colleagues in a paper [1.4] published in 1947. That
paper described the basic properties of an OIA used with linear and
nonlinear feedback. The adjectives "inverting" (I), "voltage" (V),
“current” (C), or "floating" (F), are given by the present author to
distinguish the four types of Operational Amplifiers according to their
most striking attribute, as we will see in the next sections of this chapter.
The most popular one, the OVA will be shortened to OpAmp in most
parts of this book, where the distinction between the different types is not
needed.
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1.1 Operational Inverting Amplifier (OIA)

A practical approximation of a nullor having both ports grounded will be
called an "operational inverting amplifier" (OIA). The grounded input
port makes the construction of the input stage relatively easy, because it
only needs to function at one voltage level [1.4] [1.5]. Similarly, the
grounded output port makes it relatively easy to construct an output stage
having a high power efficiency, because the current return path can be
directly connected to the grounded supply voltages. The negative sign
(inverting) of the amplification factor makes it possible to obtain stable
negative feedback with passive components connected directly from the
output to the input port. The parallel connection of the feedback circuit at
the input and output of the amplifier results in a low virtual entrance
impedance (see Chap. 3.1), suitable for accurate current sensing at virtual
zero input power, and a low exit impedance, suitable for obtaining an
accurate output voltage.

Current-to-Voltage Converter
The most simple application of an OIA is the transimpedance amplifier or

current-to-voltage transactor. This circuit is shown in Fig. 1.1.1.a with a
symbol of a nullor and in Fig. 1.1.1.b with a practical symbol of an OIA.

b, Z, <2 L Z, -2

& 3} ] & - Z

+ + + +

Vi : Onullc;; : Vo Vi » Vo

& 2] & T z
Fig. 1.1.1.a: Transimpedance Fig. 1.1.1.b: Transimpedance
amplifier with a nullor symbol amplifier with an OIA symbol

The current-to-voltage transfer factor
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Z,=V/I,=-Z, at V,=0 (1.1.1)

can be accurately determined by -Z, if the OIA satisfies two require-
ments: firstly, a high gain, and secondly, a low input offset voltage and
offset current. A high gain also assures low entrance and exit
impedances.

1.2 Operational Voltage Amplifier (OVA)

A practical nullor approach having only the output port grounded and the
input port floating [1.6, 1.7] will be called "operational voltage amplifier"
(OVA) or OpAmp. Currently, it is the most widely applied universal
active device. The floating character of the input port imposes special
demands on the construction of the input circuit, as will be discussed in
Chapter 4.3 and 4.4. The floating input port allows series coupling of
negative feedback.

This results in a high entrance impedance suitable for accurate voltage
sensing at virtual zero input power. The parallel coupling of the feedback
network with the grounded output port assures a low exit impedance.

Non-inverting Voltage Amplifier
The most essential application of the OVA is the non-inverting voltage
amplifier or voltage-to-voltage transactor. The circuit is drawn in Fig.

1.2.1.a with a nullor symbol and in Fig. 1.2.1.b with a practical ampli-
fier symbol for an OVA.

The voltage amplification factor
A=V/V,=(Z,+Z,)/Z, at [,=0 (1.2.1)
can be accurately determined by the impedance ratio (Z,+Z,)/Z, if the

OVA satisfies the requirements: a high gain, a low input offset voltage
and current, independent of the common-mode voltage of the input port,
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and a low input bias current. A high gain assures a high entrance
impedance and a low exit impedance.

I
I nullor
& 0 oo | +
+ Z1
V.
vy 2
Zy
@ 7
Fig. 1.2.1.a: Voltage amplifier Fig. 1.2.1.b: Voltage amplifier
with a nullor symbol with an OVA symbol

Voltage Follower (VF)

A special situation occurs if the OVA has its negative input terminal
connected with the output terminal. We will call such a device a "voltage
follower" (VF), because the exit voltage follows the entrance voltage.
The construction of a universal active device with this connection may be
simpler than without this connection, because no voltage shifting is
required between the input and output. The VF circuit is given in Fig.
1.2.2.b with an OVA symbol.

I
—— In

nullor
— —- ———ﬁ
g 0 (@ o3y I 7 +
+ v +
Vi 2 2 Vo
@ & & @
il

Fig. 1.2.2.a: Voltage follower Fig. 1.2.2.b: Voltage follower
with a nullor symbol with an OVA symbol
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The voltage follower has the unique property that the voltage amplifica-
tion factor
A=V/V,=1at1,=0 (1.2.2)

precisely equals plus unity, independently of any passive components, if
the amplifier satisfies the three requirements: high gain, low input offset
voltage and current, and a low input bias current. The accuracy of the
plus-unity voltage transfer is not limited by the tolerances of any passive
components. Note that the accuracy of the minus-unity voltage transfer of
a voltage inverter does depend on the tolerance of a ratio of two
impedances, as shown in Chapter 3.1, Fig. 3.1.2.

The voltage follower uses the most important attribute of a floating input
port, viz. that the potential at one input terminal precisely follows the
potential at the other input terminal.

1.3 Operational Current Amplifier (OCA)

A nullor approximation which has only the input port grounded and the
output port floating [1.8] will be called an "operational current amplifier"”
(OCA). An output port with a floating character is difficult to construct,
as we will see in Chapter 9. However, this labour is rewarded for
applications requiring a high output impedance by using feedback in
series coupling with the output port. This series feedback results in an
exit with a current-source character, while the grounded input port with
parallel feedback assures a low entrance impedance.

Current Amplifier

The most elementary application of the OCA is a current amplifier,
whose circuit is shown in Fig. 1.3.1.b with an OCA symbol. The ampli-
fier is the current dualogon of the voltage amplifier of Fig. 1.3.1.b. The
amplification factor
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A, =-L/I,=-(Y,+Y,)/Y,, at V,=0, (1.3.1)

is accurately determined by the admittance ratio (Y,+Y,)/Y, if the
amplifier satisfies: a high gain, a low input offset voltage and current,
and an output port with a low output bias current, because this current is
directly added to the output. Note, that the minus sign merely results
from the choice of the opposite current notations of I, and I,. The low
entrance impedance allows current sensing at a low entrance voltage V.
The current source character at the exit yields an accurate current transfer
independently of the load impedance.

14

nullor — D
+ -
Y, {0 e )rij
vV Vs
Y2
& Z
Fig. 1.3.1.a: Current amplifier Fig. 1.3.1.b: Current amplifier
with a nullor symbol with an OCA symbol

Current Followers (CF)

A special situation occurs if the negative input terminal of the OCA is
connected with the output terminal. We will call such a configuration a
"current follower" (CF), because the exit current follows the entrance
current. This circuit is the current dualogon of the voltage follower. The
circuit is drawn in Fig. 1.3.2.a with a nullor symbol and in Fig. 1.3.2.b
with an OCA symbol.

The current follower has the unique attribute that the current amplifica-
tion factor

A=-L/I,=1, at V,=0, (1.3.2)
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precisely equals plus unity, independently of any passive component
values, if the gain is high, the input offset voltage and current is low, and
if the output port has a low bias current. In contrast, the current-
amplification factor of a current mirror, which nominally is minus unity,
does depend on the matching of two passive elements (see Chap. 3.4).

I
,;f I I h I
nulior 2 — 2
" 10 o + » 7
\V) + +
1 Va Vi Va

Fig. 1.3.2.a: Current follower Fig. 1.3.2.b: Current follower
with a nullor symbol with an OCA symbol

Note that the minus sign in Eq. (1.3.2) is needed because the output
current I, is defined in the opposite direction regarding I, when the
current is being transferred through the CF.

The current-follower action reveals the most important attribute of a
floating output port, namely that the current which flows into one output
terminal is precisely followed by the current which flows out of the other
output terminal. This attribute is the very dualogon of the
voltage-follower action of a floating input port.

1.4 Operational Floating Amplifier (OFA)

A nullor approximation which has both the input and the output ports
floating [1.9] will be called an "operational floating amplifier” (OFA)
[1.8, 1.9]. Earlier it was called a "monolithic nullor” [1.10], or second

generation current conveyer [1.11]. The construction of such a universal
active device combines the demands of both floating input and output
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ports.

The OFA provides the maximum freedom for composing feedback
configurations. With simple passive components it is possible to apply
negative feedback in series with input and output ports, which results in
both a high entrance and exit impedance.

Voltage-to-Current Converter

A specific application of the OFA is the voltage-to-current converter or
transadmittance amplifier. Such a circuit is shown in Fig. 1.4.1.a with a
nullor symbol and in Fig. 1.4.1.b with a practical OFA symbol. The
voltage-to-current transfer factor

Y,=L/V,=Y, at I,=0, (1.4.1)

will be accurately determined by one admittance -Y ; if the amplifier
satisfies four requirements: high gain, low input offset voltage and
current, low input bias current, and low output bias current. The negative
feedback in series with both ports ensures a high entrance impedance and
a high exit impedance, which gives the transactor a voltage-sensing
entrance and a current-source exit character.

B—————— nullor
+ +
0 o)
Vi " Vo
— 3
Fig. 1.4.1.a:Transadmittance Fig. 1.4.1.b: Transadmittance

amplifier with a nullor symbol amplifier with an OFA symbol
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Voltage and Current Follower (VCF)

In fact, the transadmittance amplifier of Fig. 1.4.1.a/b does not apply all
potentialities of the OFA. It is applied in the special case in which the
lower terminal of the input port is connected with the lower terminal of
the output port. This connection may simplify the construction of the
OFA, because no voltage level shifter is needed between the input circuit
and one output terminal, as we will see in Chapter 9.2. An OFA with this
connection can be called a "voltage and current follower" (VCEF).

A nullor which has this connection is also called a "three-terminal nullor”
or a "unitor” [1.12]. In Fig. 1.4.1.b the VCF firstly acts like a voltage
follower, accurately transferring the entrance voltage V; towards the
voltage V, on the upper side of the admittance Y, and secondly like a
current follower, accurately transferring the current [, through the
admittance Y, towards the current /, at the upper exit terminal.

1.5 Conclusion

A classification of universal active devices has been given on the basis of
the number of ports which are connected to ground or to each other. The
more ports not internally connected, the more freedom there is in the
choice of the feedback configuration although this creates more
complications with the construction of the device. Fig. 1.5.1 presents an
overview of the four types of active devices with different grounding
schemes while Fig. 1.5.2 gives the three types of followers with one
interconnection between the ports.

h &F—-
7 2, OVA
+

- T &z & T &

Fig. 1.5.1.a: Operational invert- Fig. 1.5.1.b: Operational voltage
ing amplifier (OIA) amplifier (OVA) or OpAmp
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Fig. 1.5.1.c:. Operational current
amplifier (OCA)

i b —

B— T 2

Fig. 1.5.2.a: Voltage follower
(VF) with an OVA symbol

e

=¥
OFA
+ =

[T

& T Z
Fig. 1.5.1.d: Operational floating
amplifier (OFA)

Jr, -
)

& T —

Fig. 1.5.2.b: Current follower
(CF) with an OCA symbol

—

2,

&

]

Fig. 1.5.2.c: Voltage and current follower (VCF) with an OFA symbol

Four transfer functions are particularly suited to accurate signal transfer.
They can be implemented with the four basic types of active devices:
Current-to-voltage converter with an OIA
Voltage-to-voltage converter with an OVA
Current-to-current converter with an OCA
Voltage-to-current converter with an OFA
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In the ideal case, their signal transfer is independent of the source and
load impedances. Moreover, the signal transfer depends on the theoretical
minimum number of passive components.

Three transfer functions have the unique attribute that their accuracy is
independent of any passive components. These types are:

Voltage follower (VF) with an OVA

Current follower (CF) with an OCA

Voltage and current follower (VCF) with an OFA

If each of these seven types of functions were realized with nullor
approximations which do not have the right ports floating, a larger number
of passive components and/or active devices is needed. Such realizations
are less accurate and usually more expensive than the realizations with the
right kind of active devices.

The requirements to be satisfied by the universal active devices are:

1. high gain, with a stable high-frequency close-loop feedback
behavior,

2. low input offset and noise voltage and current,

3. when a floating input port is needed, a low input bias current,

4. when a floating output is needed, a low output bias current.

It is remarkable that the grades of perfection of the four requirements
mentioned have no absolute limits. This means that there is a large area of
technical exploration present for the design of active electronic building
blocks.
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2. MACROMODELS

The qualities of the universal active devices mentioned in Chapter 1 can
be specified by their macromodels or equivalent circuits and by transfer
matrices. These representations should contain all elements for quantify-
ing the four qualities of gain, offset, and if applicable, the bias current of
input and output ports. Macromodels may also include the HF parameters
and non-linear effects.

The first four sections of this chapter contain only a linear representation
of the macromodels of the four types of OpAmps. The elements may
include a complex description to include the HF behavior.

Non-linear behavior will be represented by SPICE macromodels for
OpAmps in Section 2.5.

Measurement techniques for Operational Amplifiers are discussed in
Section 2.6.

2.1 Operational Inverting Amplifier (OIA)

The operational inverting amplifier is a three-terminal network in which

one terminal is grounded. The equivalent circuit of Fig. 2.1.1 contains all
elements of a uni-lateral driven source

I Viofts
+N -
0T

Vi I offs* Vi* Y;

&I

Fig. 2.1.1: Equivalent circuit of an operational inverting amplifier (OIA)
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Definition of: offset voltage and current, input and output impedan-
ce, gain

For the purpose of standardization, all elements are chosen such that the
currents at the terminals can be expressed in the voltages at the terminals.
Thus, most elements are admittances. The main element is a
voltage-controlled current source with a transadmittance Y,.

Together with the input admittance Y; and output admittance Y,, these
three admittances form the essential ingredients of an active device. The
admittances may be taken as a Laplace transform to represent the
high-frequency response. No elements are added to represent internal
feedback because of the reasonable simplification that a universal active
device with more than one internal cascaded amplifier stage is unilateral.
And if there is internal feedback, for instance by heat transfer on the
chip, this should be considered separately.

An offset voltage source V,,; and an offset current source [, have been
added on the input side. They represent all additive DC errors of the
device. In addition, they may include all noise quantities. The input
voltage after subtraction of the offset voltage has been denoted by V;*
(with asterisk).

The errors of an active device application directly follow from the
deviations from the input requirements V,=0 and I,;=0. For that reason,
we will choose a mathematical description of the device which directly
produces the deviation from the ideal behavior. Such a description for
each of the different kinds of devices will be called an error matrix. In
the case of an OIA, being a two-port element, the error matrix is equal to
the following chain matrix:

Vio[fs

Iioﬁ‘s

vl vy, vy, ||

+

(2.1.1)

L\ vy, YY Y|V

o

The error matrix clearly shows the requirements to be met by the OIA.

|
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Firstly, a high transconductance Y, is needed. This also includes a high
voltage amplification factor 4,=-Y,/Y, and a high current amplification
factor 4,=Y/Y,. Secondly, the input offset voltage V,,; and current Liogs
should be low, and so should be the spectral input noise voltage V,, and

current J;,, which denote the noise components of the offset quantities.

2.2 Operational Voltage Amplifier (OVA)

The operational voltage amplifier is a four-terminal network of which one
terminal is grounded. An equivalent circuit is drawn in Fig. 2.2.1. For an
adequate description of the floating character of the input port we should
distinguish the differential-mode (DM) input voltage V,=V,-V, and
current [,,=(l;;-I;)/2 from the common-mode (CM) input voltage
Vie=(V,;+V_)/2 and current I, .= (I,+1,)/2.

L4 Vi offs *
V‘
— " i1
V”%( O + .
" Yt Vid
Vid IioﬁJ Yidd| | Vid NV /HJ
Vi2¢ V* -
i2

I
2 ¢ ¢ Yic1 | |Yic2
Li bias Ii bias
z T

Fig. 2.2.1: Equivalent circuit of an operational voltage amplifier (OVA)
Definition of: input bias current, input common-mode rejection ratio

The basic three elements, the admittances Y, Y, and Y,, are the normal
ones in each active device. They have already been discussed along with
the equivalent circuit of the OIA. In addition, there are the common-
mode input admittances Y, and Y, and two common-mode input
bias-current sources with an equal value /. Furthermore, the CM input

ibias*
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voltage V. * causes an output current V;.*Y, /H; in addition to the current
V,,*Y, of the main voltage-controlled current source. This is the result of a
crosstalk of the CM input voltage V, * on the DM input voltage V,*. The
factor H, is called the "common-mode rejection ratio” (CMRR)
H=(6V"/6V')sv,- The reciprocal factor I1/H; can be called the
"common-mode crosstalk ratio"” (CMCR). All these additional elements
show the non-ideal floating character of the input port.

The main errors of an OVA are quantified by the following error matrix
(2.2.1):

v..\uy, YJY, UH/||L |V

i t ot o ioffs
LY /Y, Y X Y, YJH] |Vl (2.2.1)
Iic : * Yic Vic* Itbtas

with: Via=Vi-Viz
Vie=(Vy+V)/2
Ly=(1-1)/2
L= (I;+1)/2
Yid Yldd
Yic c] + cZ)/Z
Vvic V ‘lzojfs/z ‘/f(.‘

The four elements in the upper-left part of the matrix represent the basic
description of any controlled source, as discussed along with the OIA.
The right-hand part of the matrix contains all errors caused by the
non-ideal floating character of the input port. An OVA should have a
high value of the CMRR H; and a low input admittance Y. The dots in
the matrix represent normally negligible effects.

Finally, the input bias current I, which is also a result of the non-ideal
isolating or floating character of the input port should be low and is
placed in the separate column of additive error sources.
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2.3 Operational Current Amplifier (OCA)

The operational current amplifier is a four-terminal device in which one
input terminal is grounded. An equivalent circuit is shown in Fig. 2.3.1.
The floating character of the output port can best be emphasized by
distinguishing the differential-mode output voltage V, ,=V -V, and
current [,=(1,-I,/2 from the common-mode output voltage
V,.=(V,,+V, /2 and current I,.=(I,,+1,,)/2.

I Vi offs Io1
T - -—
V
T " e 2 Vor
I offs‘ Yi ¢ Yodd Vod
Vi VA B Voo

i el
Y, Vi7H, YtV/H To2
Y, Y,
- . + Io bias ‘? é +15 bias oct oc2
& z

Fig. 2.3.1: Equivalent circuit of an operational current amplifier (OCA)

Definition of: output bias current, output common-mode current
rejection ratio

In addition to the elements of an OIA, the equivalent circuit contains the
elements which express the parasitic liaisons between the output port and
ground. Firstly, there are the common-mode output admittances Y,., and
Y,.,. Secondly, we have two output bias sources with an equal value 1,,,,,.
Thirdly, these bias currents are modulated as a function of the input
voltage V* with a transconductance Y, /H,,. '
The quantity H, will be defined as the output common-mode current
rejection ratio (CMCRR) for the output currents. The reciprocal quantity
1/H, will be called the output common-mode current crosstalk ratio
(CMCCR). It describes the current crosstalk of a DM output current

I,=V*Y, on the CM output current /,,=VY, /H, at V,=V _=0. The
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CMCRR for output currents is dual in regard to the CMRR for input
voltages.

The main errors are quantified in the following error matrix (2.3.1):

V| |1/, Y Y, |1, Vioﬂs
LISYIY, YY, Y, | Vodel Lo (2.3.1)
c| 1 /Ho Yod /Ho Yoc Voc obias|

with: Voa=Vor-V,2
Iod: (101—10»/2
V,.=(V,,+V,)/2
Ioc: (Iol +102)/2
Yoszodd
Yoc = (Yocl + YocZ) /2

Again, the four elements in the upper-left part of the matrix represent the
errors of any controlled source, as described along with the OIA. The
elements of the lower row represent the non-ideal floating character of
the output port. An OCA should have a high CMCRR H, and a low CM
output admittance Y,. Moreover, the output bias current I, must be

placed in the column of additive error sources. The dots in the matrix
stand for negligible effects.

2.4 Operational Floating Amplifier (OFA)

The operational floating amplifier is a five-terminal network in which one
terminal is grounded. An equivalent circuit is shown in Fig. 2.4.1. The
floating character of the input and output ports can best be expressed by
distinguishing DM and CM input and output voltages and currents, as
was done with the OVA and OCA.
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Using all definitions

The equivalent circuit contains all elements of a driven source:

YV¥u, Ye and Yy, the offset sources V,,; and L5 all elements which
represent the liaisons of the input port with the common ground: Y,,, Y.,
Lys (2x) and V*,Y/H;; and all elements which have the same function for
the output port: Y,.,, Y,, , I, (2x) and V*,Y/H, (2x). These elements

[

have been discussed with the OIA, OVA, and OCA.

+
Y, Vi
Yma[h Vig +thtlc /C:_, ‘% oddd} Vod
Vi : —
I; 1
2 ‘? é‘ []] ict ¢ 502 ‘? é [’J oct [:]Yocz oz
- L bias Ii bias
B s}

thld/HO

+ 1o bias

+8 T?T

Fig. 2.4.1: Equivalent circuit of an operational floating amplifier (OFA)

Vd | VY, vy, uH | L
Ll W /Y, Y Y, JY, Y lH, |-V
id _ id *1 id" od' "t id' * i d+ (24 1)
Iic . : ch * V*ic Iibias
/ 1/H0 Yod /Ho : Yoc Y oc obias

The errors of the OFA are quantified by the error matrix (2.4.1):

The four elements in the upper-left part of the matrix represent the errors
of any controlled source as discussed along with the OIA. The elements
of the third column represent the non-ideal floating character of the input
port, described along with the OVA, while the elements of the fourth row
do the same with regard to the output port, described along with the
OCA. The elements in the additional row represent all offset and bias
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sources. The dots in the matrix stand for negligible effects.

2.5 Macromodels in Spice

In Chapters 2.1 to 2.4 we have presented linear circuit models for the
four Operational Amplifier types OIA, OVA, OCA, and OFA. These are
theoretically correct but not always practical. The main practical short-
coming is the lack of non-linear behavior description. It is desirable for
shortening the simulation time in SPICE simulations of large systems with
many Operational Amplifiers, to have relatively simple macromodels,
which nevertheless do take into account the non-linear behavior,
saturation effects, and slew rate.

Macromodel mathematical

In some cases, like the use of OpAmps in switched capacitance circuits, it
is often sufficient to have only the non-linear behavior of the input stage
modeled. In some SPICE programs this can be entered by a formula
description. An example of such a description is given by Lin et al. in
[2.1] and shown in Fig. 2.5.1.

+F—  Ibog I (s) Avo v, (s)

V Vi :Vg; - Im1 - 5
d : Vg S s

_Q_ a [ i (“’E)(‘H’E)E)

Fig. 2.5.1: A two-pole model taking into account the slew rate limita-
tion. The maximum available currents of the input stage
are given by I, and I'y. The transfer has the characteristic
slope of g,

The description consists of two blocks. The first block describes in a
first-order approximation the non-linear behavior of the input stage. The
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second block describes the frequency response with two-poles. With this
model the slewing and settling behavior can be modeled in first-order
approximation. For further details see [2.1].

Macromodel Miller-compensated
If we need to take a larger number of non-idealities and non-linearities

into account, such as input offset and noise and saturation effects we need
to use a more extended circuit.

R 2 Vsp
A
o Pss ()_VB1
Vg
1 [ o1 T 1 o
R 11} - o
Iy 81 Igp it 1 B Vou
My M b P2 %o
- 1 M 4
of of o}
+ GemVem |GaVa GpVy ¢ GyVou o
e
Aol ] Ro2 [HRF‘ C)_Vaz N
2 Ven

Fig. 2.5.2:  SPICE macromodel of a Miller-compensated two-stage
CMOS Operational Amplifier according to Boyle et al.
The input stage is modeled by a differential transistor pair,
while the output stage is built up by driven sources and
saturation diodes

As an example the SPICE macromodel of Boyle et al. [2.2] is shown in
Fig. 2.5.2. It models the input stage by using the differential pair M, and
M,, diodes D; and D, to model saturation effects at the output, and a
Miller (Chap. 6) compensation with C, across the output stage. The
parasitic currents of the protection diodes at the input are modeled by
means of current sources Iz, and /,,. The output current is limited by the
diodes D, and D, together with the series resistor R, and a reproduction
of the output voltage across R-G.V,,. The same model can also be used

out*
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with bipolar circuits. The input bias current sources may be left out in
that case, because they are already built in the bipolar transistor models.

The macromodel can also be used if a voltage follower is added at the
output as a third stage. But the model cannot be used with more complex
Operational Amplifiers. More precise macromodels have been presented
by Mark Alexander and Derek Bowers [2.3], and others.

Macromodel nested-Miller-compensated

The effects of common-mode-depending bias currents and saturation
become even more serious in the application of low-voltage OpAmps with
rail-to-rail input and output voltage ranges, such as the bipolar OpAmp
NE 5234, as explained with Fig. 7.8.3. A SPICE macro-model should
incorporate these effects. An example of such a model is given by Feyes
et al. [2.4] using controlled sources and diodes. However, a simpler
model is shaped if we just equip the input and output stages with transis-
tors using strongly simplified transistor models, while we use controlled
sources for the intermediate stage similar to Boyle's approach. This is
shown in Fig. 2.5.3.a and b.

The input stage is composed of two complementary transistor pairs and a
tail current selector, as explained with Fig. 4.4.4. Two different offset
sources can be inserted, one for each pair. The output stage is modeled
together with its R-R saturation properties by two complementary bipolar
transistors Q,; and Q,,, and a translinear class-AB loop through D,,, D,,,
and a floating supply source replica V-V, as explained with Fig.
5.3.13.b. The diodes D,; and D,, prevent internal overdriving.

The intermediate stage is linearly modeled by a simplified transistor
model. The total macromodel has three poles: one at the output
determined by the load capacitance, one at the input of the output stage
determined by the diffusion capacitors of the output transistors, and one
at the input of the intermediate stage determined by R,, C,,. These three
poles are handled by nested-Miller-compensation through C,,; and C,,,, as
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explained with Fig. 6.2.16.
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Fig. 2.5.3.a: A SPICE macromodel of a low-voltage bipolar R-R input

stage for a three-stage bipolar OpAmp
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Fig. 2.5.3.b: A SPICE macromodel of a low-voltage-nested-Miller-
compensated intermediate and output stage of a three stage
bipolar OpAmp with R-R output
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With this model the change in input bias current and offset voltage and
saturation effects are properly modeled when the common-mode input
voltage passes from below the negative rail up even across the positive
rail. The noise is also being properly modeled together with the slew rate
and frequency characteristic. At the output a proper saturation behavior
near the negative and positive rail voltage is modeled.

Conclusion

In conclusion, in SPICE simulations of large systems where many
OpAmps and other components function together the simulation time can
be much shortened by using simplified macromodels for the Operational
Amplifiers. These macromodels often use transistor models at the input
and at the output, where the largest non-linearities occur, while linear
controlled current sources are used in the central part of the model.

2.6 Measurement Techniques for Operational Amplifiers

The measurement of Operational Amplifier characteristics 1S not easy
because their parameters can seldom be directly found in an open circuit.
The gain is so large that any offset and noise will drive the output in com-
plete saturation. Hence the OpAmp has to be placed in a stable feedback
measurement setup and the parameters to be measured have to be
indirectly measured.

Gain measurement of an OTA

Exempt from the mentioned problem is the measuring of the transconduc-
tance Y,=G,, of an OTA (Chap. 7.1). This value is so low, that it can be
easily directly measured. A voltage source V, can be directly connected to
the input as shown in the first measurement approach of Fig. 2.6.1. The
top-top value should not be larger than about 20 mV, in order that the
input stage is not being overdriven in its non-linear region. At the output
a relatively small resistor, i.e. R, =1k{2 can be connected to ground. The




2. MACROMODELS 27

G,, can be found as the ratio of the output voltage and the input voltage
divided by the load resistance R;. So:

Y,=G,=V,/(V.R) (2.6.1)

The output load resistor R, may not be too large. Otherwise the parasitic
open output conductance Y, in parallel with //R; will make the measure-
ment inaccurate. This is particularly the case at high frequencies where
the parallel output capacitance C, will attenuate the output voltage
strongly. The situation is drawn in Fig. 2.6.1.

For the measurement of offset and noise of an OTA the same setup can
still be used. At a grounded input the output voltage indicates the offset
through a calculation by the value of the transconductance and the load
resistance according to:

Voﬂ‘s - Vo/(GmRL) ( 2.6.2 )

RL - CL Vout

2
Fig. 2.6.1:  Measurement of the transconductance Y,=G,, of an OTA

However, if we want to measure the open voltage gain A,, the above
setup does not fit anymore. The load resistance R, has to be chosen larger
than the open output resistance R,=1/G, and the offset would fully drive
the output to one of the supply rails. Fiddling with a DC input bias
voltage would help in some cases, but cannot be a standard measurement
procedure. This can only be used in SPICE simulations as we may expect
perfectly matched transistors and an inherent low offset.
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Gain measurement of an OpAmp

The second closest approach is to use feedback for proper biasing in such
a way that the negative input terminal is fed back by a resistor R, with a
value larger than the open output resistance R, but capacitively grounded.
The situation is depicted in Fig. 2.6.2.

Ry S
Vin _OA I ’?
- I
+
R4 |
V,
(D 2o, vy
C1 L==1 J_ T P ou
|
= R1C1 > 2A Td
Cor[_ e 5

Fig. 2.6.2:  Measuring the voltage gain A,=V,/V, of an Operational
Amplifier

The external loop contains an extra pole at a time constant 7;,=R, C,.
This must be larger than the DC gain 24, multiplied by the dominating
time constant 7,=R,C, of the open-loop amplifier, to satisfy the stability
of the loop. As the dominating pole frequency /277, may easily be as
low as 1.6kHz at R,=10M{2 and C,=10 pF, the external pole frequency
7, must be lower than 0,008Hz at a voltage gain A, of 10°. When we
choose R, =100M €, C, must have a value larger than 0.2uF. The voltage
gain as a function of the frequency (Bode plot) can now be measured as
A,=V,/V, with a network analyzer with active probes (C, <3pF). If we
do not take 7, large enough, the phase margin could become too low and
the circuit may multivibrate at a low frequency.

The above solution may work well with most CMOS OTAs. But if the
open output resistor R, becomes larger, a problem arises as the value of
R, 1s limited.

If the input stage has bipolar transistors, the feedback resistor has to
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supply the input bias current. This requires a much lower value of R; and
a higher value of C;.

A possible solution will then be to insert a single-transistor voltage-
follower buffer between the output and the connection to the feedback
resistor R, in order not to load the open output too much. In SPICE
simulations we can easily solve the problem by replacing R, by a large
inductance L,, so that there is no DC loss across this element.

With an OpAmp with two or more gain stages the open output impedance
is normally so low that a much lower value of R, is allowed.

Gain and offset measurements of an OpAmp

A third, simple, and effective solution is to use an inverting amplifier
feedback configuration as shown in Fig. 2.6.3.

The idea is to apply the amplifier in an inverting configuration with a
minus unity gain at R,=10k{, R,=10k{2, or i.g. with a gain of -100 at
R,=1k$, R,=100kS2 inverting configuration. The voltage gain can be
measured by a network analyzer by simply connecting one active probe to
the output and the other active probe to the input of the amplifier.

Ra R1
g | S | e J g
+ + g I
Vs _<> Vin ! Vout
Cpi :#: -
' 4}

Fig. 2.6.3:  Inverting feedback configuration for measuring the voltage
gain A,=V_/V, of an Operational Amplifier

The only care we must take is that the probe capacitance C, at the input
does not cause a pole in the loop at a frequency where the loop gain is
still larger than unity. This should not be a problem at a strong feedback
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attenuation B,=R,/R,. The frequency characteristic can be measured with
this third method up to several hundred Megaherz.

If the open output impedance R, is high, then R, must also be chosen
sufficiently high to avoid degradation of the measured voltage gain. This
inverting-amplifier setup also allows us to simply measure the offset
between the input terminals. The input voltage noise can also be
measured at the input in a frequency band where the feedback is active,
orAB,>1.

In conclusion, of these three simple measuring setups, the third measur-
ing circuit is quite powerful.

General measurement setup for an OpAmp

The above methods do not satisfy a general measurement setup in which
more parameters can be measured, such as common-mode rejection. The
measurement of the CMRR is particularly difficult as we cannot apply
feedback for biasing, as the feedback will destroy the CMRR by its
ground connection (see Chap. 4.3). Alternatively we can superimpose on
the supply voltages and the output reference voltage a common-mode
voltage. For that purpose we need to place the device under test in a
feedback loop with the aid of a second amplifier. As a fourth example, a
more general low-frequency setup is given in Fig. 2.6.4 [2.5].

The amplifier under test, OA,, is supplied with positive and negative
supply voltages, respectively Vg, and Vi, while a common-mode voltage
source V,,, moves the supply voltages and the output reference voltage in
regard to the input voltages. A broadband helping amplifier OA,
compares the output voltage V, of the amplifier under test with a source
voltage V, and amplifies the difference to the output measurement voltage
V,,. This voltage is being fed back to the input of the amplifier under test
by an attenuation network B,=R,/R, and bias current measurement
resistors R, and R,. The capacitor C, provides phase lead to stabilize the
long loop through two amplifiers. The low-frequency voltage gain can be
measured by dividing V, by (R,/R;) Vy, so:
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Ay=VR IR,V (2.6.3)

o o s
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R, 10k | - . .
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s Lot ot - Vs Ry
T R e S 4 oo
-
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~
L R
— (DVem
Amplifier under-test D, + ZIS D,

Fig. 2.6.4:  General low-frequency measurement setup for voltage gain
Ay, bias current 1, offset voltage V,,, noise voltage V,,
and common-mode rejection CMRR of an Operational
Amplifier OA, under test aided by a helping Operational
Amplifier OA,

This can be done, for instance, by a network analyzer. Active probes
need not be used, depending on the impedance levels of the source and
output of OA,. Load conditions can be changed by applying Z,. The
measurement of the frequency characteristic is correct up to about 1
MHz, which is the pole of the feedback network.

For an offset measurement the switches S, and S, have to be closed. The
output voltage V,, represents the input offset voltage amplified by the
inverse feedback attenuation.

Vojfs = VMRI/RZ (2 .6. 4)

The spectral input noise can also be read from V.
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Vnin:VnMRI/R2 (265)

The bias current 7, can be found by opening only S,.

Ly =V R /R R, (2.6.6)
The offset current 1,4 similarly can be found by opening both switches S,
and S, and by using equal resistors R;=R,,.

Iojfs:VMRl/R2R3 (2.6.7)

For the measurement of the common-mode rejection ratio a common-
mode voltage source V., has to be used which is able to drive the supply-
voltages V,, and Vg, of the device under test. The result can be measured
as:

CMRR=V o,,R) /R, V) (2.6.8)
Note that the loop gain of the measurement setup is high (4,,4,,R,/R,).
The high frequency behavior of the loop is determined by the two
dominating time constants of both amplifiers. The stability of the loop is
ensured if the help amplifier OA, has a high dominating pole frequency,
say 1MHz, and if the feedforward capacitor C, corrects the phase lag of
OA, above that frequency. The measurement setup may function up to
frequencies of IMHz.

In conclusion, we have seen that it is not easy to measure OpAmp
parameters for we have to take care of proper biasing simultaneously.
For SPICE simulations, the second method can be used to measure
frequency characteristics. The third method is powerful in practical
situations. The measurement of the CMRR is particularly difficult, as we
cannot apply feedback to properly bias the OpAmp as this destroys the
CMRR. A proper method is to alternatively move the supply with a
common-mode voltage. This is done in the fourth general measurement
setup.
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2.7 Problems and Simulation Exercises

Problem 2.1

Figure 2.5.2 shows a Boyle type macromodel developed for CMOS oper-
ational amplifiers. Starting from that picture, calculate the parameters of
an operational amplifier with a differential gain a,,=100dB, common-
mode rejection ratio CMRR=90dB, unity gain bandwidth f,,=10MHz
with a phase margin ¢,=76deg. The slew-rate specifications are
S,,=10V/us for rising output voltage and S, =9V/us for falling output
voltage. A short-circuit current I;-=7mA should be supplied at the
output, with an output DC impedance R,,=1K{. Supply voltages are
Vep-Vsy=3V, and the macromodel should dissipate P,=3mW. No
capacitive or resistive load is present.

Solution

The gain in the first stage is chosen to be equal to unity:

Rs=Rp,-1/g,, (2.7.1)

As R, usually has values around 2/g,, for convenient common mode
input range,
Rp =218, (2.7.2)

In order to calculate g,,;,, weak inversion transistors will be considered for
the input stage with an approximate g,,; given by

ISS

100mV

8mi™ (2.7.3)

The tail current Iy results from S,, value and a convenient Miller
capacitor:
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C,=2pF
IsszczsrpzzoﬂA (2.7.4)

Returning to R, and Ry, values:

R, ,=2/g ,=200mV/I[..=10KQ
DI~ gmi s (2.7.5)
RS/ _RDI 1/gm;v’_l/gml =5KQ

Using these values, the unity gain bandwidth results:
foag=1/2nR,,C,=8MHz (2.7.6)

which is close enough to the desired bandwidth. It can be increased by

choosing a lower value for R,;. The gain in the virtual intermediate stage

of the model is larger than unity, given by its components G, and R,:

G =1/R,,=0.1m$
R,-100KQ (2.7.7)

The output impedance will be equal to R, for frequencies above:
f =12nR,C,(1+R,G, ) =T9Hz (2.7.8)
Below this corner frequency, the DC output impedance is
R,.=Rqy * Ry, (2.7.9)

Because the short-circuit current will be given by the ratio of a diode
voltage and R,;, R, should be less than DC output impedance:

R,,=100Q (2.7.10)

The rest of the gain up to a,,=100dB is given by the third stage:
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ROZ :let _ROI =900€2

G,=a, R, /RRy,=11.18

2.7.11)

The gain of the R.G, voltage repeater should be equal to unity with an R,
value much smaller than R, so:

R =100

G =1/R_=0.1S (2.7.12)

This voltage repeater puts the difference between the voltages at the
output and at the internal output on R, such as if a difference exists the
maximum current supplied is the short-circuit current:

I4=V,JR;,=0.6V/100Q=6mA (2.7.13)

To correct the short circuit current value to the desired 7mA, the diode
threshold voltage can be changed to 0.7V for simulation purposes. The
S,, value is controlled by Ci:

Cs=(ls/S,,) ~C,=0.22pF (2.7.14)
The common-mode rejection ratio is given by G.,:

G,,=1/R,,CMRR=3nS (2.7.15)

cm

For the desired phase margin, C,; introduces a second pole
p2=1/2R,,C, (2.7.16)
which produces:
C,=(C,tang, ) 12=46fF (2.7.17)

The power dissipated by the whole macromodel is modeled by R, which
takes the value:
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VotV
R,= PN =1.0K€2 (2.7.18)
P di(VSP * VSN) Lgg

Simulation Exercise 2.1

The Boyle macromodel depicted in Figure 2.7.1 can be simulated for AC
analysis using a simulation setup as shown in Figure 2.7.2.
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Fig. 2.7.1:  Boyle macromodel for a two-stage operational amplifier
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Fig. 2.7.2:  Differential gain simulation for an OpAmp macromodel
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The use of ideal high-valued capacitors and resistors allow the simulator
to solve correctly the biasing point for the transistors inside the
operational amplifier. At DC, the amplifier is basically a repeater with
the positive input connected to ground. What is the low limit frequency
for a DC voltage gain simulation, considering the effect of C,? What can
be the additional benefits of replacing R, with an inductor?

Simulation Exercise 2.2

The circuit shown in Figure 2.7.3 is used to simulate a Boyle
macromodel of an operational amplifier for AC solution of common-
mode to differential crosstalk.

Using this crosstalk gain and the differential gain, the common-mode
rejection ratio can be calculated. At DC, the inductor keeps the
operational amplifier in a repeater configuration, while above a limit
frequency given by the L;C, time constant, both inputs of the operational
amplifier are tied together and the circuit is placed in an open-loop
configuration. Simulate this circuit using the Boyle macromodel shown in
Figure 2.7.1 and decrease the common-mode rejection ratio with 20dB by
adjusting the G, transconductor. What other circuit elements in Figure
2.7.1 affect the common-mode to differential crosstalk?

Vsp

j Boyle macro

ine VP

out
Gnd
i vy Csy

& Vout

Vsn

Ls

1e10

Fig. 2.7.3:  Common-mode to differential crosstalk simulation
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3. APPLICATIONS

This chapter describes a number of general applications suitable for
quantifying the requirements of universal active devices or Operational
Amplifiers. The transfer of each example is described by a matrix
containing, firstly, one or more nominal values, and secondly, error terms
having low values. The nominal values are determined by the circuit
configuration and by the gain-setting passive components in the circuit.
The error terms are determined by the non-idealities of the active devices
as discussed in Chapter 2. Each of the error terms can be relatively easily
expressed as a sum of errors caused by:

Jirstly, the non-zero input voltage;

secondly, the non-zero input current;

thirdly, if the input port is floating, the CM input current; and

Jourthly, if the output port is floating, the non-zero CM output

current.
With the aid of these error terms one can estimate the required specifi-
cations of the active devices or Operational Amplifiers.

In the last section particularly the requirements of OpAmps are evaluated
based on the desired dynamic range.

It appears that for an optimum ratio of dynamic range and supply power
the output of an Operational Amplifier should have a current-efficient
class-AB biasing and a voltage-efficient rail-to-rail voltage range. In some
cases the input should also have a voltage-efficient rail-to-rail common-
mode voltage range.

3.1 Operational Inverting Amplifier
The operational inverting amplifier has both the input and output ports

grounded which restricts the feedback to parallel connections. This results
in applications with a low input and output impedance.
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Current-to-Voltage Converter

As we have already discussed in Chapter 1.1, the transimpedance
amplifier or current-to-voltage converter is the most basic application of
the OIA. This amplifier configuration is drawn in Fig. 3.1.1 together with
the source and load circuits.

A Z 2
IJ@ DYS Vi + » v V2 HZI
v, vy
F— R @

Fig. 3.1.1: Transimpedance amplifier with source and load circuits

For a description of the transfer we choose a kind of matrix which clearly
presents the nominal transfer and additionally presents all errors in
relation to the input quantities V; and I,. For a two-port the total matrix is
equal to the chain matrix. The matrix of Fig. 3.1.1 is given in (3.1.1):

1| vz, vz, VAV |1
= + ; (3.1.1)
V] 1/Ave I/Yte —‘12 Loffs|

with:

1/Z,= -1/,

1/Z,= YoV, + Y)Y Y (Y Y)Y,

1/4;,= -1,/Y, -Y/Y,

]/Avez —(Y2+Y0)/Yt

1Y, ~ 1,

Ly o = Vieg/Zy 1, o

VI ofs = ‘/ioﬁs

and with Y,= 1/Z,
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The nominal term I/Z, represents the minus reciprocal value of the
nominal impedance -1/Z,. All other terms are error terms caused by non-
idealities as described by the error matrix 2.1.1. Each error term can be
written as a sum of partial errors which originate, firstly, from the non-
zero OIA input voltage V; and secondly, from the non-zero input current
I;. The first error term 1/Z,, represents an entrance error current V,/Z, as a
function of the exit voltage V, at -I,=0. This error current is composed of
two partial error currents: V,Y,(Y,+Y,)/Y, flowing through Y, as a
consequence of the non-zero input voltage V,=-V,(Y,+Y,)/Y, and the non-
zero input current I;=-V,Y,(Y,+Y,)/Y,. The second error term 1/4,
represents an entrance error current I,/A4,, as a function of -/, at V,=0.
This error current is composed of two partial error currents: I,Y,/Y,
flowing through Y, as a consequence of the input voltage V,=I,/Y,, and the
input currents I;=1,Y,/Y,. The other error terms are built up in the same
way. The input offset voltage V., and current I, give rise to the entrance
offset voltage V,, and current /4, as presented. The spectral input noise
voltage V,, and current [, can be thought of as superimposed on the
relevant offset quantities [3.1, 3.2]. An extra entrance noise current,
caused by the noise current /,,, of the impedance Z,, is present.

Inverting Voltage Amplifier

z, L. z Zy 2
— g
N + Ii ¢ ‘IO +
Vg vV + v Ve HZI
) ] V; Vo o
- - —

Fig. 3.1.2: Inverting voltage amplifier with source and load circuits

Another important application of the OIA is the inverting voltage
amplifier, a configuration widely used in analog computer circuits. The
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circuit is shown in Fig. 3.1.2. The matrix is given in (3.1.2):

\Z I

I

/A, +1/A,, 117,
1z, 1A,

V2
_12

loffs
\%

= +

; (3.1.2)

loffs

with:
1/A,, ~ -1Z,/Z,
1/A, = ~(Z;+Z)(Y+ Y)Y 2y Z,Y (Y, + Yy)/Y,
1/Z,~-1/Z,

An important disadvantage of the inverting voltage amplifier is its large
entrance current error V,/Z,=-V,/Z,. The non-inverting voltage amplifier
using an OVA, which will be described in the next section, does not have
this disadvantage.

3.2 Operational Voltage Amplifier

The operational voltage amplifier (OVA) has a floating input port that
provides applications with a high input impedance by a serial feedback
through the input port.

Non-Inverting Voltage Amplifier

The most basic application of the OVA is the non-inverting voltage
amplifier (see Chap.1.1.2) as shown in Fig. 3.2.1

The transfer of the circuit can be described by one nominal value and
error terms having low values, as described by matrix (3.2.1):

V| WA, +1A, 1Y 1V,

+

I ; (3.2.1)

. 1Z, VA |L

loffs
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with:
1/A,, =Z,/(Z,+Z,)
J/Ave :(Y0+Y/s)/Yt+Yld(Y0+Y/s)/};)/t+]/Avn[—It"Kc1/YpA

vn

1Y, =1/, +Y/Y T,

]/ZZe = Yid(Y0+ Y/s)/Yt + Yic2/Avn
1/4;,= Yi/Y,

‘/ioﬁ’s zViaﬁ”s +I]0ﬁ‘s/yp +Iibias/Yp
Iloﬁ‘s = Ly

and with ¥,=1/Z,, Y,=1/Z,, Y,=Y,+Y, Y ,=1/(Z,+Z,).

Ip
11 - ————
Zs —= OVA x%
+
) 2 + - ﬁ]zz
Vs vy m Vo DZI
h Z,
e T &

Fig. 3.2.1: Voltage amplifier with source and load circuits

The reciprocal nominal value of the voltage amplification factor is
1/A,,=Z,/(Z,+Z,). All other matrix elements are error terms caused by
non-idealities. The first error term 1/A,, represents the entrance error
voltage V,/A,, as a function of the exit voltage V, at -I,=0. The error
voltage is the sum of four partial error voltages. The first of these partial
error voltages V,(Y,+Y")/Y, represents the differential input voltage V,,
needed to generate the exit voltage V,.

The second partial error voltage VZY,d(YOvLYS)/);Y, is the voltage loss
across the parallel admittance Y,=Y,+Y, of the feedback network as a
result of the differential input current ,,=V,Y,(Y,+Y,)/Y,. The third
partial error voltage V,/A, H, is the equivalent differential input voltage V,,
evoked by the crosstalk I/H, from the CM input voltage V,,.=V,/A,,. The
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fourth partial error voltage -V,Y; /YA, is the voltage loss across the
parallel admittance Y,=Y,;+Y, of the feedback network as a result of the
common-mode input current [,,=V,Y,.,/A,,. The other error terms are built
up in the same way. In addition to the offset and noise quantities of the
OIA (see Chap. 3.1), there are the input bias current L, and the input
bias noise current I, and their effects. An extra entrance noise voltage,

caused by the noise voltage V,,, of the parallel impedance Z,=1/Y,, is
present.

Voltage Follower

If we choose Z, =~ and Z,=0, the voltage amplifier becomes a voltage
follower with a nominal voltage amplification factor 4,,=1 in that all
error contributions with a ¥, in the denominator disappear.

Bridge Instrumentation Amplifier

A bridge instrumentation amplifier can be built with an OVA and bridge
of four impedances Z;, through Z,, (Fig. 3.2.2). The circuit can be

thought to be composed partly from the inverting voltage amplifier (Fig.

I44 I

Zsy —= Z11 Zp1 -
| SN
+ + +
(Dvs/2
N Vict ova Va DZI
Zsce C)_VS! 2
+ L g1
Vee Zo T, Ze2 Zyo
L
Fig. 3.2.2: Bridge instrumentation amplifier with source and load cir-

cuits
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3.1.2) and the non-inverting voltage amplifier (Fig. 3.2.1). If the bridge is
well balanced, which means that 4Z,/Z,=1-Z,Z,,/Z,,Z,,«I, the circuit
only amplifies the differential-mode entrance voltage V,, while the com-
mon-mode entrance voltage V. is rejected. The circuit of a bridge
instrumentation amplifier is given in Fig. 3.4 and the matrix with the error
terms in Eq.3.4.

Vig VA, +VA,, 1Y, UH,| V| |I.
I,|- Uz, VA, . || LV (3.2.2)
IIC 1'fZlcc Vic ibias

with:
1/A,, = -Z,,/Z,,
1/A,, = -42,/27Z,(A,,+1)A,,
(21 +Zo) Yy +Y* )Y 2y (2, +Z) Yi(Yo+ 1H,)/Y,
_I/ZHiAvn_ YicI/ZYIIAvn + KCZ/ZYIZAVH
I/H, =-2Z,/Z,(A,,+1)
AIYZy 2+ Z,) Y/ Y2+ Z,)
-I/H-Y, /Y Y /Y,
1/Z,~ 1/(Z,+2Z,)

and with: 4Z,/Z,=1-Z,,Z,,/Z,,Z,,«1
Y, =1/Z;), Yp,=1/Z,5, Y, =1/Z,, Yy, =1/Z,,

The main disadvantage of this type of instrumentation amplifier is that the
bridge resistors establish a connection between the input port of the OVA
and the output and ground. This destroys the CM isolation barrier of the
input port of the OVA and thus destroys the CMRR of the application.
Therefore, the common-mode crosstalk ratio (CMCR) 1/H, is directly
determined by the imbalance 4Z,/Z, of the bridge and a factor 1/(A4,,+1)
depending on the nominal amplification factor 4,,. Another disadvantage
is the relatively low CM entrance impedance 1/Z,.,.=1/(Z,,+Z,,) which is
also caused by the lack of a CM isolation barrier.
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The latter disadvantage can be overcome by connecting the input terminals
in cascade with either two voltage followers, one for each terminal, or two
voltage amplifiers of the type of Fig. 3.2.1, joined in a balanced
configuration by connecting the bottom sides of Z,; to each other, instead
of to ground.

A basically better way to build an instrumentation amplifier which does
have a CM isolation barrier is to use two OFAs. An example of such an
instrumentation will be given in Chapter 3.4.

3.3 Operational Current Amplifier

The operational current amplifier has a floating output port, which allows
a high output impedance or current output by a serial feedback through the
output port.

Current Amplifier
The most basic application of the OCA is the current amplifier (Chap.

1.3). This configuration is given in Fig. 3.3.1 together with its source and
load circuits.

I

R HYS v Yz{j

Fig. 3.3.1: Current amplifier with source and load circuits

The nominal amplification factor and error terms with small values can be
described by the matrix of Eq.3.3.1.
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g

V)

1A, +1/A, 1/Z

te

1y, 1A,

!

o 11

%

Loffs

’ (3.3.1)

+

V2 loffs

with:

/A, = Y,/(Y,+Y,)
]/Aie: Y’S(I/p+ Yod)/Yth +Y1(Y;; + Yod)/Yth +2H0/Ain_Yoc]/YpAin
]/Zte = YseYOd/Yr + YiYod/Yt + YocZ/Ain
/Y~ (Y, +Y,)/TY,

1/A,,~ Y, /Y,

Iloﬁ"s = ‘/ioﬁsYt +Iioﬁs +21

obias’

/A,
Vloﬁ’s = Vioﬁ”s

and with: Y,=Y,+Y, Y, =1/(1/Y,+1/Y,)

The reciprocal value of the nominal current amplification factor is 1/4=
Y, /(Y,+Y,). All other terms are error terms caused by non-idealities. The
first error term //A,, can be written as the sum of four partial error terms.

The first partial error Y'(Y,+Y,,)/Y,Y, represents the entrance error
current -LY(Y,+Y,)/Y,Y,. This results from the current V¥, flowing
through the series conductance Y';=1/(1/Y,+1/Y,) as a consequence of the
input voltage V,=-I,(Y,+Y,)/Y,Y, needed to deliver the exit current -7,.
The second partial error Y,(Y,+Y,,)/Y,Y, simply represents the input
current I;=-LY,(Y,+Y,)/Y,Y, which is needed to deliver the exit current
-I,.

The third partial error 2/H A, is caused by the crosstalk 1/H, of the DM
output current [ ,=-I, on the CM output current /,.. Double this value
(from both output terminals) must be counted.

The fourth partial error -Y,,/Y,A;, is a result of the error current 1,Y,,/Y,
which flows into the CM output impedance Y, in parallel with the
parallel admittance ¥,=Y;+Y, as a function of -I,. The other error terms
are made up in the same way. In addition to the offset quantities men-
tioned with the OIA, there are the output bias current /,,,,, and output bias

obias

noise current /,,,. There is an extra entrance noise current caused by the
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noise current I,y of the series admittance Y';=1/(1/Y,+1/Y2).

3.4 Operational Floating Amplifier

The operational floating amplifier is the most versatile OpAmp. It permits
series feedback through the input and output ports. This allows for
applications with a high input and output impedance.

Voltage-to-Current Converter
The most basic application of the OFA is the transadmittance amplifier or

the voltage-to-current converter (Chap. 1.4). The circuit is shown in Fig.
3.4.1 with the source and load circuit.

I4 I

Fig. 3.4.1: Voltage-to-current converter or transadmittance amplifier
with source and load circuits

The nominal transadmittance and error terms are presented in the matrix
of Eq.3.4.1.

V| [y, +1Y, VAL Vo
= + ; (3.4.1)
I, VA, 1Z,\V, Iloffs
with:
1Y, = -1/Y,
1Y, = -(You+ Y)Y - Yl Yoy + ) /Y Y /H Y, + Yo/ Y, Y -2/H, Y,
+Yoc2/Y2Y2

1/A,, = -Xo /Y XYoo/ VY -2Y i/ YH Y Yo ) /Y,
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]/Aie = _Yid(Yod+Y2)/Y2Yt'YicI/YZ

1/Z, = -YY,/Y,

V]oﬁ‘s = Vioﬂs +Iioﬁ‘s/ Y, L/ Yo+ 21, obias’ Y2
Iloﬁ”s = Iioﬁs+libiax

The reciprocal value of the nominal transadmittance is 1/Y,,=-1/Y,. All
other terms are error terms caused by non-idealities. Each error term is
the sum of partial errors which can have six origins (see Chap. 2.4):
firstly V,,=f(-I,,V,), secondly I,=f(-I,,V,), thirdly V,=f(V,), fourthly
IL.=f(V,), fifthly I, .=f(-1,), and lastly I .=f(V,,).

The partial errors are placed in six columns according to the above
sequence. The partial errors have already been explained in the preceding
sections of this chapter. There is an extra entrance noise caused by the
noise voltage Vy,, of the admittance Y,.

Inverting Current Amplifier

An inverting current amplifier or current mirror can be made by adding an
entrance admittance Y; to the transadmittance amplifier (Fig. 3.4.1). The
entrance admittance Y, converts the entrance current /, into a voltage V,
which is in turn converted into the exit current I, by the transadmittance
amplifier containing Y,. A special case appears if Y,=Y,. In that case the
circuit is known as the "current mirror". The circuit is drawn in Fig.
3.4.2 while the matrix is given by Eq.3.4.2.

1| WA,+VA, 1/Z |-, Vloffs
= + ; (3.4.2)
v, 17y, 1A, |V, Ilojfs
with:
LA, =-Y /Y,
VA =Y, (Yt Y)Y Y Y (Y, 4 V) Y,Y
-I/HA, Y, /Y, + Y,/ VoA,
_2/H0Ain + YocZ/YZAin

1/Y,~-1/Y,
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L' e
7 OFA 2
>
Ig T D Ys V1 V2 H YI
Y, Yo
— &

Fig. 3.4.2: Inverting current amplifier with source and load circuits

The first term is the reciprocal nominal value of the current amplification
factor. The other terms are error terms, as has been explained earlier. A
disadvantage of the inverting current amplifier is the relatively high
entrance voltage V,=-1,/Y,,=1,/Y, which is not present in the non-inverting
current amplifier of Fig. 3.2.1.

Differential Voltage-to-Current Converter

I41 Io1
& &
+ +
Z)4
Vig Iog Voq
212 ZIcc
& 0ot
—— P
Iy Ipo

Fig. 3.4.3: Instrumentation voltage-to-current or transadmittance ampli-
fier with source and load circuits
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The floating character of the input of an OFA together with the
current-source character of the output of an OFA having series feedback at
its output can be applied to obtain the CM-voltage isolation needed for the
entrance circuit of an instrumentation amplifier. This is shown by the
instrumentation transadmittance amplifier of Fig. 3.4.3 [3.3]. Two OFAs,
connected as voltage and current followers (VCFs), firstly, transfer the
DM entrance voltage V,, at unity gain to the terminals of a conductance Y,,
and secondly, transfer the current -I,,=-V,Y, through Y, towards the
output terminals. The CM input voltage only affects the output current
through the non-ideal properties of the OFAs, as described by the matrix
Eq.3.4.3.

Vi 1Y, 1Y, VA, UH, . | |5 V.
I] d l/Aie I/Zte - : V2d Ilojfs
= + ; (3.4.3)
I]C : : 1/Zice . le Ilbias
12 c : : 1 /Zrcce 1 /Zoce V2c IZbias
with:
1/Y,= -1/%,

1/Y,= -2(Y,y+2Y,)/2Y,Y - Y\ (Y,y+2Y,)/2Y,Y,Y,
-1/2H,Y,+1/2H,Y,+Y,/2Y,Y - 1/H, Y,+1/H,,Y,+Y,/2Y,Y,
H,= Yo/ Y+ Yo/ Yot Yir Your/ Yu Yot YisYoud/ Y, X,
1/Hy+ 1/ iy + Yoo/ Yo Yot/ Yot Yourd/ Vi Yot/ Y

12y~ +Y Y,/ Y-Y Y,

and with: V,, =V, -V, Vie=(V,;+V,)/2, L,=,-1,)/2, I,,;=(1};;+1)/;
idem for the exit voltages and currents; all OFA parameters without OFA
number are average values.

The nominal value of the reciprocal admittance is 1/Y,,=-1/Y,. All other
terms are error terms which have been explained in the preceding part of
this chapter. The common-mode crosstalk ratio (CMCR), or the reciprocal
value of the common-mode rejection ratio (CMRR), is //H,.
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A complete instrumentation voltage amplifier arises if we include the
current-to-voltage conversion function of the load impedances Z;, and Z,,.
In that case the reciprocal nominal overall voltage gain I/A,, and the
overall CMCR 1/H, are given by Eq.3.4.4.

VA, = -1/Y,Z,, (3.4.4)
1/H,~ 1/H,+1/FH;

With: ZLd=ZL1 +ZL2’ ‘Z/HiL:- AZLI/Z]d’ AZL] =ZL1-ZL2'

The reciprocal value of the discrimination factor is defined as:
]/Fe:(IZC/‘/zc)/IZd/Vd) I/ZtcceY

From the above expression we see that a low overall CMCR I/H; can
only be obtained if the amplifier has a low CMCR 1/H, as well as a low
reciprocal discrimination factor I/F,. The effect of the latter term is
further reduced by a low CMCR 1/H,, of the load circuit.

Instrumentation Voltage Amplifier

An instrumentation voltage amplifier with a voltage-source character
between the output terminals arises if we insert a balanced floating
impedance amplifier with an OFA and two impedances Z;; and Z,,
between the preceding example's instrumentation transadmittance
amplifier and its load circuit [3.3, 3.4].

The complete instrumentation voltage amplifier circuit is drawn in Fig.
3.4.4 together with the source and load circuits.

The reciprocal nominal overall differential voltage gain and the CMCR of
the complete amplifier are described by Eq.3.4.5.

1/A,,=-1/Y,Z,, (3.4.5)
1/H,~1/H,+1/F H,

Wlth: Z]S Z]1+le, I/HI AZ /Zs, AZ] Z]I-ZIZ
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z
PR AN g
+ OFA; > +

+ 2
Vig DYz <_3F§3> Vag Dzldd

> &
12 Zjq _[AZ Ic2

Fig. 3.4.4: Instrumentation voltage amplifier with source and load
circuits

The instrumentation amplifier has a floating entrance port and an
independently floating exit port. It measures the differential entrance
voltage at nominal zero entrance currents. The differential exit port has a
voltage source character.

Instrumentation Current Amplifier

If we change the sequence of the transadmittance and transimpedance
amplifiers of the preceding example we obtain an instrumentation current
amplifier. This circuit is drawn in Fig. 3.4.5 together with the source and
load circuits.

The overall reciprocal nominal current gain is given by Eq.3.4.6.

1/A,=-1/Y,Z,, (3.4.6)
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Z11

N,
B I?Ffr>j

e Hﬂvsdd 2> | e

OFAy
? ch1 T chz 12 z l@ QZ Ic2
Isc Isc

Fig. 3.4.5: Instrumentation current amplifier

The instrumentation current amplifier has a floating entrance port and an
independently floating exit port. It measures the differential entrance
current at nominal zero differential entrance voltage. The exit port has a
current source character.

Gyrator Floating

From among the applications of the OFA the gyrator should not be left
out. A fully floating gyrator can be composed of two instrumentation
transadmittance amplifiers as shown in Fig. 3.4.6 [3.5, 3.6]. The nominal
and error terms of the transfer are given in Eq.3.4.7.

L VZpy, 12y, Vz,, Vad
I . . . 1z, | |V,
= : (3.4.7)
oy 1Z,, . VZ,),*VZ . Vid
I2c 1IlZZce Vlc

with:
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1/Z2,=-Y,

1/Zpn=Y,

1/Z,,,=2Y,(Y,,+2Y,)2Y,+ Y (Y, +2Y,)/2Y-Y, /2+ 1/HY,-Y,/2+2/H,Y,
1/Z,,,~-2Y (Y, +2Y,)/2Y - Y, (Y, +2Y,)/2Y,+ Y, /2-1/HY,+ Y, /2-2/H,Y,
1/Z,,=2Y,Y,/2Y,+ Y, (Y, +2Y)/2Y,+ Y, /2+Y,/2

1/2,,=2Y,Y, /2Y,+ Y, (Y, ,+2Y,)/2Y,+ Y, /2+Y, /2

and with average OFA parameters.

I11 Ip4

—_—— i
F—i—+ <+ L
+ FA OFA +
oA, > fha

w o e X e

+ - <+
- OFA2> OFA, .
oy -t + - 3
—— ————

I1o I22

Fig. 3.4.6: Floating gyrator

The nominal resonant frequency w, circuit which is composed of a gyrator
with ¥,=Y,=1/R and loaded on both sides with a capacitance C,=C,=C
is given in Eq.3.4.8.
w,=1/RC (3.4.8)
1/Q=2R/R2C/C

with:  I/R,=real(1/Z,), w,C,=im.(1/Z,),
Zye '““Zute zZZde» Zte thZIe zZz21e

The second term in the expression of 1/Q describes the phase-lag in
admittance amplifiers. This phase-lag undamps the circuit at higher
resonant frequencies.
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Conclusion

The application examples given in this section have shown the relation
between the specifications of the active devices and the accuracy of the
applications mentioned. This is necessary for determining how far we
have to go in improving the specifications of the active devices whose
designs will be the subjects of the following chapters. The important
overall specification of dynamic range brings about special requirements,
as we will see in the next section

3.5 Dynamic range

The total amount of information that can be processed in an analog signal-
processing step is determined by the product of dynamic range (number of
bits) and bandwidth. The dynamic range over power limitations will be
evaluated in this section, while the bandwidth over power limitations will
be extensively covered in Chapter 6.2.

The fundamental specification of low power is in contradiction to the
fundamental specification of dynamic range. Therefore, it is important to
see how these specifications relate in several OVA applications. An
optimum for low power and dynamic range can be found if the output
stage and input stage possess a rail-to-rail voltage range. This will be
shown in this section, in which the OVA will simply be called Operational
Amplifier (OpAmp).

Dynamic range over supply-power ratio

The trend towards smaller dimensions in VLSI circuits firstly leads to
smaller break-down voltages across isolation barriers. The supply voltages
will go down from 5V through 3V to 2V or even 1V. Secondly, the high
density of circuit cells on a chip limits the power that can be dissipated per
circuit cell. Moreover, the increased use of batteries or solar power in
wireless applications emphasise the above trend. As a consequence, the
dynamic range (DR) of analog signals is squeezed down between a lower
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supply-voltage ceiling and a higher noise-voltage floor. The latter is a
consequence of a lower supply current.

The maximum top value of a single-phase signal voltage is equal to half
the supply voltage V,,=V,,/2, as is shown in Fig. 3.5.1.a. Its RMS value
is V,=V,,/2v2. If this signal is present across a signal-processing resistor
R, the supply power needed to drive this resistor in class-B mode is
P,,=V, aV=V2mp/27rRs. The thermal noise voltage across this resistor
equals: Vy=(4kTB,R,)"”, in which k is Boltzman's constant, T the absolute
temperature, and B, the effective bandwidth. The maximum dynamic
range as a function of the supply power can now be calculated as
V2 [ Psup

DR =-2-2_ s
max V2 4 4kTB (3.5. .l)
N e

from which we can find the dynamic-range over supply-power ratio as
DRmax 7[ 1

P, 4 4kTB,

(3.5.2)

Exactly the same expressions are found for the balanced case, where the
top value of a balanced signal voltage is equal to the full supply voltage
V=V, instead of half the supply voltage in the single case, see Fig.
3.5.1.b. To consume the same power, the value of the balanced resistor R,
must be taken four times that of the single one: R,=4R,.

Vst 1 Vspt 1
1 2 Vsupv Isup 2 Vsupr Isup
Vs? \/ Vor VST Vor
1 1
) Vsup "o Vsup
time — time —»

Fig. 3.5.1.a and b: Single and Balanced rail-to-rail voltage V,,=V,, /2

sst sup
and V,=V,,, respectively, across a class-B driven
signal-processing resistor has a maximum DR=
(n/4)P,,,/AKTB, (=89dB at P,,,=16uW, B,=1MHz)

sup!
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Voltage-to-Current Converter

A simple example is shown in the single and balanced voltage-to-current
converter shown in Fig. 3.5.2.a and Fig. 3.5.2.b with a single resistor of
R,=10k£2 or balanced resistor of R,=R,,+R,,=40KQ respectively, at a
supply voltage V,,,=V-Vy of 1 Volt, in a bandwidth of IMHz. In this
case the supply power P, is /6pW at a maximum sinusoidal signal. The
result is a maximum dynamic range DR, of 89dB. This maximum can
only be obtained if the signal processing resistors can be driven in class-B

and rail-to-rail, and when the amplifier is noise free.

If the output stage is biased in class-A instead of in class-B, the bias
current must be equal to the maximum current and the DR/P,,, ratio loses
minimally a factor of m, or 5dB from its maximum value. This loss for
class-A in regard to class-AB may easily be a factor of 100, or 40dB, in
the many cases where the signals are much lower than their maximum
values most of the time. This is the case in audio, telecommunications,
hearing aids, etc. If the output voltage range is restricted to 1/3 of the
supply voltage, for instance when a diode voltage Vj; is lost at a supply

voltage of 1Volt, the DR/P,,, ratio loses another factor 3, or 5dB.

Re=10 kQ Ry1= 20 kQ
—{___ | /] Vout T )?
+ VSP . Vsp
ilinvinzo ilin Vin=0 Vout
Vsn VSN -
g Vgr —J g
Rpo= 20 kQ

Fig. 3.5.2.a and b: Single and balanced voltage-to-current converter with
R,=10k$2 and R,,=R,,=20K(, respectively, with a
DR=89dB at V,,=Vy-Vo=1V, P,=16uW, R-R

class-B output stage, and a bandwidth of 1MHz
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Inverting Voltage Amplifier

The inverting voltage amplifier of Fig. 3.5.3.a, firstly, loses a factor of 2
or 3dB in its DR/P,,, ratio because an additional input buffer is needed to
supply the power in the resistor R,. Otherwise, this power has to be
supplied by the source. Secondly, another factor 2, or 3dB, is lost because
of the noise of the two resistors. The resulting DR, is 83dB at a supply
voltage of 1Volt and a bandwidth of 1MHz.

Ry= 20 kQ Ro= 20 kQ

| | S| g Vout
B Vsp
Ven

&V

Fig. 3.5.3.a: Inverting amplifier with A=-R,/R,;=-1, with a
DR=89-3-3=83dB, at a supply voltage V,,,=Vg-Vy, of
1V, P, =16pW, R-R, class B, IMHz. If R, =2k, R,=20
kS2, we obtain A=-10, with a DR=89-3-10=76dB

When we would choose a gain of 10 in the inverting voltage amplifier of
Fig. 3.5.3.a with R,=2k2 and R,=20k(2, we firstly lose a factor of 2, or
3dB into the input buffer, and secondly another factor of 10, or 10dB
because resistor R, only uses 1/10 of the supply voltage range. This means
that the V10 times larger current noise of resistor R,=2k(2 will be
reflected into the 10 times larger resistor R,=20k(2, which gives rise to a
10 times larger noise power. The resulting DR, is 76dB. The same result
is obtained with the balanced version given in Fig. 3.5.3.b.
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SP

|
7

Ri=4kQ Rp=40kQ

— lin=0 ideal I — ¥ ?

> Vout

ideal 3 3 &z

Ra=4KkQ Ry= 40 kQ

N

SN

SP

./!é

|
N

SN

Fig. 3.5.3.b: Balanced inverting amplifier with A=-(R,+R,)/(R,+R;) =
-10, with a DR=89-3-10=76dB, at a supply voltage
Vip=Vsp-Voy of 1V, P =16uW, R-R, Class-B, and

1MHz

Non-Inverting Voltage Amplifier ’

The non-inverting voltage amplifiers shown in Fig. 3.5.4.a and b with a
gain of 10 do better than the inverting one(s). We only lose a factor of 10,
or 10dB, proportional to the gain because R, only uses 1/10 of the supply
voltage range. We do not lose the factor 2, or 3dB, because we do not
need an additional input buffer. The DR, is 79dB in a frequency band of
1MHz and a supply voltage of 1V.

Ry=1kQ

BV

Fig. 3.5.4.a: Non-inverting voltage amplifier with A=(R,+R,)/
R,=+10, with a DR=89-10=79dB, at a supply voltage
Vip=Vsp-Voy of 1V, P, =16uW, R-R, Class-B, and IMHz

sup sup
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Fig. 3.5.4.b:

+

Rp= 18 kQ

Ri=4kQ  Voyu

Rg= 18 kQ

Balanced non-inverting  voltage  amplifier with
A=(R;+R,+R,)/R,=+10, with a DR=89-10=79dB, at a
supply voltage V,,,=Vg - Vg of 1V, P, ,=I16uW, R-R,
Class-B, and 1IMHz

Inverting Voltage Integrator

The balanced inverting voltage integrator shown in Fig. 3.5.5 only loses
the factor 2, or 3dB, because of the use of input buffers. The capacitors
do not add to the noise.

Fig. 3.5.5:

o
1l Z
Vsp
Vout
Vsp Ven
ideal 1 I} 44
+ Rp= 40 k2 Co
Vsn

Balanced inverting voltage integrator with 4=
-(1/jwC,+1/jwC,) (R,+R,) with a DR=89-3=86dB, at
Vip =Vsp-Vey=1V, P,,=16uW, R-R, Class-B, and 1MHz

sup
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Within the effective bandwidth of B,=1/27RC, with R=R,=R,=40kQ2
and C=C,=C,, at a supply voltage of 1V, the DR, is 86dB. The resistor
values have been chosen such that the supply power is again /6uW at a
maximum sinusoidal signal [3.7].

The dynamic range of an inverting voltage integrator is generally large:

DR=(w/4)P,, J4kTB,=(n*/2)P,, RCI4KT
DR=nV,,,CIAKT
with: B,=1/(27RC), R=R,=R,, C=C,=C,

(3.5.3)

Current Mirror

A very severe loss of the DR is found in current mirrors. The current
mirror of Fig. 3.5.6 firstly, loses a factor m, or 5dB in the DR, because
the circuit operates in class-A, and, secondly, a factor 40, or 16dB with
bipolar transistors because the signal is compressed in a voltage range of
Vr=kT/q=25mV across the gain-setting base-emitter resistors. These
resistors are small in regard to V, /I, and therefore their noise current is

unnecessarily large. The resulting DR is only 68dB. This is a factor 30,

& Sk

Jo el e “’”“Lgr

Teti|i [ fep = Tet/n

B VsN

Fig. 3.5.6:  Bipolar current mirror with 7 ,/I,-n, with a DR=89-5-
16=68dB,with n=1,V,,,=V,-Vo,=1V, P,,=16uW, class-
A, and IMHz
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or 15dB lower than the DR of the inverting voltage amplifier. Emitter
degeneration resistors will help in decreasing the loss. A CMOS mirror
will also do better, because a better use of the supply-voltage range is
made because of the larger intrinsic source resistances.

The dynamic range of a current mirror is generally:

DR=(n/(n+1*)(VIV, )P, JAKTB,

sup’” sup

DR=(1/4)(1/40)P, J4kTB,=89 -5-~16=68dB (3.5.4)

with: V,=kT/q=1/40, n=1, V.

sup

=1V, P,,=16uW, class -A, and IMHz
Conclusion Current Mirror

From this equation it follows that in all amplifier realizations, in which the
signal has to pass through a current mirror, the dynamic range over power
ratio is quite low. This is the case in so-called "current-mode" amplifiers.
Moreover, in these current-mode solutions, where the signal passes
through one or more internal current mirrors, the accuracy of the transfer
is limited to that of the matching of non-linear transistor characteristics of
the internal current mirrors. Further, current-mode active network
elements do not fit the basic and yet accurate nullor approach of Chapter
1. Instead, they have more complicated network models and cannot
describe the overall transfer function more accuratetely than of the order
of 0,5%.

Another approach, the so-called current-mode feedback does have a better
high-frequency behavior than the normal approach, due to the elimination
of a pole in the feedback network. However, this solution has higher noise
and offset due to the feeding of an emitter or source bias current through
the feedback network. And again it does not fit the basic nullor approach
of Chapter 1. For these reasons, so-called "current-mode” solutions, like
current-mode amplifiers, and current-mode feedback are not discussed in
this book.
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Non-Ideal Operational Amplifiers

If we take into account the non-idealities of the amplifiers, then the
DR/P,,, ratio is further reduced. Important non-idealities are caused by the

sup

input noise voltage and a restricted output voltage range.

The problem at the input is that we do not want to spill supply current in
the input stage, while on the contrary, we need a large bias current for the
active input devices in order to lower the input voltage noise. The input
voltage noise can easily be estimated by the equivalent input series noise
resistance R,,,. For bipolar transistors R,,,=r,/2=kT/2ql,=V,/21,, with
Vr#25mV at room temperature. For field-effect transistors we find
R,;s=7/8,=v/(2uC, (W/2)I,)'?, which is of the order of
R,.,s=10y/(I,)"” for transistors with a W/L ratio of 100, while v is of the
order of 2. The W/L ratio has been chosen as large for analog applications
to increase g,, and lower noise and offset input voltages.

— Vsp @ Vsp
O RS ST
Vout
R 10 kQ Ry 20 kQ + - Ro 20 k2
*—:|-——¢ Vout | g ¢ | S
Iin/2
Im? l T Iin/2T “—| T T, l—‘ l in
—Z Vsn VsN

Fig. 3.5.7.a and b: Single and balanced current-to-voltage converter in a
single-stage class-A realization with a DR=89-5-
1=83dB for bipolar transistors, and DR=89-5-
2=82dB for CMOS transistors, R-R, Vip=1V,
P, =16uW, I=16pA, and IMHz.

An optimal solution would be to choose no separate input transistors, but
to use one-stage amplifiers in which the input transistors are used as
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output transistors as well. This interesting realization will be shortly
evaluated here. In fig. 3.5.7.a and 3.5.7.b, a single and balanced current-
to-voltage application is shown with a one-stage single or balanced class-A
transistor amplifier. The transistors T, and T, symbolize either bipolar or
field-effect transistors.

Because of the class-A operation, we lose at least 5dB. With bipolar
transistors the equivalent input noise resistor will be R,,,~7002 for the
single and 1500Q for the balanced version at a total supply current of
16pA. The resulting extra noise is much lower than 1dB. With CMOS
transistors, the equivalent input noise resistor will be R, ,,=500042 for the
single and 7000Q for the balanced version. The resulting extra noise is of
the order of 2dB. At the output the signal cannot reach the rail within
100mV. This results in a loss of 1dB for bipolar as well as CMOS
transistors.

We can avoid the -5dB loss of class-A biasing if we choose a class-AB
push-pull configuration as shown in Fig. 3.5.8.a and 3.5.8.b.

—ZV. v

102¢ &P ‘102 IQ4¢ 2 Vsp
v, |
R 10 kQ Ry20ke| + . |Rp20ke
L F z vom 1 I ﬁ ﬂ B |
/2

IinT | T Iin/2T ] Ta l— l in
VN Vsn

Fig. 3.5.8.a and b: Single and balanced current-to-voltage converter in a
single-stage class-AB realization with a DR=89-
2=387dB for bipolar transistors and DR=89-5=84dB
for CMOS transistors at V,,=1.2V, P, 20uW,
IMHZ

The push-pull transistors have been connected with the emitters or sources
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between the rails, while their bases or gates are connected. To ensure

proper class-AB biasing the supply rail voltage has to be regulated at two
diode voltages at a proper quiescent current I,. The circuit may function at
roughly 1.2V. While we have now avoided the -5dB loss of the class-A
circuit with a class-AB approach, the input noise voltage has been
increased because the quiescent current has been reduced strongly with no
signal. If we choose the quiescent current at 1/10 of the maximum
current, the extra noise reduces the DR by 2dB for bipolar transistors and
5dB for CMOS transistors. The result is still better than in class-A.
However, we have to build an additional supply-voltage regulator which
easily takes away another 1dB from the dynamic range. Moreover, the
solution is only valid for a fixed low voltage and for the inverting OpAmp

type.

If we also have to take the DC offset into account, the dynamic range
becomes even lower. At DC the dynamic range is DR, pc=V’,/V:ops-
With bipolar transistors we may expect an offset of 0.3mV, which results
in DR, ,c=70dB, at a supply voltage of 1V. For field-effect transistors
with an offset of 3mV the result is DR,,,, pc=50dB. Only chopping can
elevate this limit.

Conclusion

We have shown that the thermal noise in the gain-setting resistors
principally limits the dynamic-range over supply-power ratio of an analog
signal operation to DR,,,./P,,,=(4/7)/4kTB,. At a supply voltage of 1V and
a gain setting resistor of 70k{2in a current-to-voltage converter, the supply
power is I6uW for sinusoidal signals and the dynamic range in a
bandwidth of 1 MHz can never be better than DR, =89dB, even for an
ideal Operational Amplifier.

This maximum can only be obtained if the Operational Amplifier is able
to, firstly, efficiently feed the full supply voltage range from rail-to-rail
(R-R) to the load, and secondly, efficiently feed the supply current in a
class-AB mode to the load or feedback resistor. In some cases, for
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instance in a voltage buffer input application, the Operational Amplifier
must also be able, thirdly, to efficiently allow a common-mode signal
from rail-to-rail. These three requirements impose the important require-
ments in the design of the input stages of Chapter 4 and output stages of
Chapter 5.

In amplifiers where the above requirements can not be met, the dynamic
range over power ratio is lower. For instance, when a diode prevents the
output to go from rail-to-rail, but only allows an output voltage swing of
0.3V at a supply voltage of 1V, the dynamic range loses 10dB. When the
biasing is not class-AB, but class-A, we lose at least 5dB or much more at
low signal levels.

When we process analog signals through a bipolar current mirror without
emitter degeneration, we lose 16dB of dynamic-range over power ratio.
With degeneration or CMOS current mirrors the loss is still 10dB or
more. Moreover, the accuracy and linearity of the overall transfer
function is only as good as the matching of highly non-linear internal
transistor-diode characteristics. For these reasons we will leave out
current-mode amplifiers in this book.

3.6 Problems
Problem 3.1

The circuit in Figure 3.2.1 shows a non-inverting voltage amplifier built
around the operational amplifier model explained with Figure 2.2.1. The
impedances in the external circuit are Z;=I10KQ, Z,=10KQ and
Z,=40K. Z, is the load impedance and has a value of 50K({Q. The
parameters for the operational amplifier macromodel are: V,,=10mV,
Lg=10nA, I,,=50nA, Y,=1/20MQ, Y, =Y,,=1/100MQ, H=80dB,

Y,=100S and Y,=1/1KQ. Calculate the output voltage for an mput voltage
of Vi=10mV, 100mV, 1V.
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Solution

The matrix Equation (3.2.1) shows the relations between input/output
voltages and currents for the application circuit. Solution starts by
calculating the parameters 4,,, A,,, Y., Z,, 4,,.

These values can be used to calculate the nominal and error terms in
Equation (3.2.1):

VA
RS
Avn Zl+Z2
Y, +Y! RERS +y! Y,
L ’ ( s)+ 1 _ Ticl :13_5,1076
A, 7Y, Yy, —AH YA,
Y.
i:i‘r——O 010004
Yte Yt YpY[
/
L: Yid( Y0+Ys)+ Yic2 :2'1()*9 (36])
Zte Y; i
_I_:K’;‘fzil()-lo
Aie Yt
Iloffs ibias =50nA

1% 1% Iioﬁs Iib[as 10.48mV
=V, .+ + =10.48m
loffs ioffs Y Y

p p
With these values replaced in the matrix Equation (3.2.1), and considering

the voltage-current relations at the input and output

V-V =24,

V,=Z,

(3.6.2)

With these values replaced in the matrix Equation (3.2.1), and considering
the voltage-current relations at the input and output
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Ve-Vi=Zd,
V,~Z1, (3.6.3)

the following equation is obtained for V,:

V.= VS_ZSIloﬁs_Vloﬁ‘s

2
L+L__l +é_ ZS (364)
A Ave Zth Zte Z[A ie

Replacing the values for circuit parameters and signal source voltage, the
three output voltage values result:

Vy(10mV)=-4.9mV
V,(100mV)=445mV (3.6.5)
V,(1V)=4.94V

Problem 3.2

Figure 3.4.1 shows a voltage-to-current converter built around the OFA
macromodel explained with Figure 2.4.1. The external components are
Zy=10K, Y,=1/50kQ2, Y,=1/50k{2. The macromodel parameters have
the following values: V,,=10mV, I, =10nA, I,,=100nA,
Yu=1/10M82, Y,,=Y,,=1/100MQ2, H=80dB, Y,=0.1S, Y, ,=1/IMQ,
1s=100n4, Y, ,=Y,,=1/100M{, H,=60dB. Calculate the output

current /, for a signal voltage V,=100mV, 1V, 5V.

Solution

The matrix Equation (3.4.1) shows the relations between input/output
voltages and currents for the application circuit. Solution starts by
calculating the parameters Y, Y,,, A,., Ais Z-

m> te> ves ies
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Lo 150100
tn Y2
1 N Y Yia'd(Yz s odd) 1,
Yte Y2 Yt Y22 Yt HiYZ

Y y
o 226555
y, HY, v,

Y Y. Y 2Y

b Podd Tida"odd _ “" odd _Yod:_l 51.1073
A, Y, vy, YHY, Y, 060
Y [Y +Y) Y.
R il otd 2)ﬂ “ 501107
Aie Y2Y’ Y2
Y. Y
b i odd __1 1012
Zte Yt

I L. 21 .
1oﬂs:vioffs i ioffs + ibias " obias =0.025V
Yy, Y, Y

2 2
1 I .+, =110nA

= +
loffs “ioffs ~ibias

Vv

With these values replaced in the matrix Equation (3.4.1) and considering
the voltage-current relations at the input and output

Ve-Z, =V,
L=-Y)V, (3.6.7)
the following equation is obtained for /,:
I =- VS wZSIlof]"s B Vloﬁs
=
Z. Z
__1__+_1_+ 1 o5, TS (3.6.8)

Ym Yte Y[A ve Aie ZteYZ

Replacing the values for circuit parameters and signal source voltage, the
three output voltage values result:
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1,{100mV)=-1.47pA

L(1V)=-19.4pA (3.6.9)
I,(5V)=-99.18uA

Problem 3.3

The instrumentation amplifier shown in Figure 3.5.3.b relies on a
differential input buffer and an inverting differential amplifier. Using the
resistor nominal values R,=R,=4KQ, R,=R,=40K(, a supply voltage
Vsp=23V, V=0V and non-ideal operational amplifiers with input common
mode voltage range A,,=(V,-1V; Vi,-0.5V), output voltage range
Ayoyr=(Vsp-0.2V; Vgy+0.2V) and V,,=10mV, calculate the maximum
input signal which can be amplified without distortion. Using this value,
calculate the ratio of dynamic range over dissipated power which can be
obtained with this amplifier over a bandwidth Af=IMHz if each oper-
ational amplifier draws [,=100 pA and has an input noise of S,=
10nV/vHz. The resistors have a precision of 4R=2%. Boltzmann's
constant is K=1.38-10%, temperature T=2300K.

Solution

The first limit is introduced at the input by the differential buffer, as both
input operational amplifiers are connected as repeaters, thus not allowing
all of the input voltage range to be used:

Vimin - viojfs * VVOUTmin - VS[\;’_*-O'Q’VJr Vioﬁ‘s =0.210v
v, Vi =Vsp~1.0V=V, - =1.990V

imax VVINmax B ioffs “Vsp

(3.6.10)

Another factor of R,/R; is lost in order not to saturate the output, which
limits the input signal to

_ (VVOU Tmax VVOUTmin)

-V =0.26V (3.6.11)

imax imin 10
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Considering also the maximum gain

R,(1+AR)

=L =104
Vmax Rl(l _ AR)
(V v . ) (3.6.12)
174 -V _ VOUTmax VOUTmin -0.25V

imax imin

Vmax

this voltage range is reduced furthermore by the unwanted effect of the
third operational amplifier input offset voltage:

(Vvo UTmax VVOUTmin)
Vimax‘Vimin: AV “zvzoffs:0248V (3 6]3)

max

The dynamic range of the circuit is limited by the noise power and the
maximum input signal. The input referred noise power is

P,=3S]Af +4KTR Af +4KTR,Af (3.6.14)

and is composed from buffer noise and equivalent resistor noise (virtually
the equivalent resistors are equal with R, R;). The dynamic range can
now be calculated

V. Vi
DR=101og10(—'””‘”‘TL””X:81.5dB (3.6.15)

n

The ratio of dynamic range over dissipated power is

DR
-P—=1 12dB (3.6.16)
d
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4. INPUT STAGES

The input stage of an Operational Amplifier has the task of sensing the
differential input voltage. This process is disturbed by interference signals
such as: offset, bias, drift, noise and common-mode crosstalk. The
modeling of these signals has been given in Chapter 2. The level of these
additive interference signals determines the useful sensitivity of the
amplifier. The design of the input stage should aim at low values of these
interference signals, while the current consumption should be low, and a
large portion of the rail-to-rail range should be available for common-
mode signals.

The discussion of input stages will be divided into aspects of: offset, bias,
and drift in Chapter 4.1, noise in Chapter 4.2, common-mode crosstalk in
Chapter 4.3; and the design of rail-to-rail input stages in Chapter 4.4.

4.1 Offset, Bias, and Drift

The quiescent input voltage and current, which are needed to drive the
active elements at the input of an amplifier into their normal working
range, result in equivalent offset and bias quantities at the input of an
amplifier (see Chap. 2). Variations in these quantities as a function of
time, supply voltage, or ambient temperature are referred to as drift.

The product of differential input voltage and input current is the input
sensing power which must be supplied by the external source circuit. It is
clear that a high sensitivity requires a low input sensing power in order to
distinguish the differential DC signal from offset, bias, and drift.
Generally, the lowest input sensing power, or product of input voltage
and current, is achieved if the active elements at the input are connected
in the general-amplifier (GA) connection (common-emitter or common-
source connection). This is the reason why all effective input stages have
a GA connection.
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One can apply two general techniques to reduce the effect of quiescent
input voltages and currents: isolation and balancing. We will review these
techniques.

Isolation techniques

The input offset and bias quantities are the manifest results of the
quiescent voltages and currents of the active elements in the input circuit.
One of the most successful ways of reducing offset and bias is to apply
active elements whose input is electrically isolated from the internal
quiescent voltages and/or currents.

Examples of this electrical isolation can be found in the group of
parametric amplifiers, such as the magnetic amplifier and the vibrating
capacitor electrometer. A monolithically integrable variant of the latter is
the varactor electrometer amplifier with varactor diodes as voltage-
dependent capacitances. With a varactor amplifier an input offset current
as low as 10 fA can be obtained, while the offset voltage is of the order
of 1 mV [4.1].

Another elaboration of the principle of isolation is the separation of useful
frequency regions from frequency bands where additive interference sig-
nals such as offset, drift and 1/f-noise can be expected. This idea is
realized in the chopper amplifier or in the chopper-stabilized amplifier
[4.2]. The residual offset quantities are mainly caused by capacitive
crosstalk of the chopper driving signals. With CMOS chopper switches
offset values of /uV and InA can be obtained.

The principle of isolation can also be applied to reduce the effects of
variations in the environmental conditions. Some examples are: stabiliz-
ing the supply voltages, isolating the chip from changes in the ambient
temperature or stabilizing the chip temperature, isolating the chip from
mechanical vibrations, and avoiding the influence of chemical reactions
by the use of stable materials or an effective chemical shielding.
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A design which aims at a low value of the offset and drift must generally
have an input stage with a sufficient amount of gain to shield the
influence of offset and drift in stages behind the input stage.

Basically, isolation, shielding, or stabilization can be applied to any
degree of perfection by increasing the "isolation barrier". This is in
contrast to balancing where the result is limited by the accuracy with
which components can be matched, which is in turn dependent on the
precision of the integration process. However, the above-mentioned
isolation techniques can not always be applied. Then, we must rely on
balancing techniques, which is the subject of the following section.

Balancing techniques

Balancing techniques reduce the input quiescent voltage and current of a
single device into those equal to the difference between the left and
right-hand voltages and currents. This has been expressed for bipolar
transistors in the Equations 4.1.1 and 4.1.2 for the single and balanced
stages of Figure 4.1.1 and Figure 4.1.2, respectively.

Vsp Vsp
ICi Rc IC‘i Req Rez lIC?

- + VO 5 + VOd —
+ g—EKCh + Q4 Qo
\% e Vig
- . - &
I
()_VREF EEl D Ree

Vsn

Fig. 4.1.1: Single bipolar- Fig. 4.1.2: Balanced bipolar-
transistor input stage transistor input stage

For the single input stage of Figure 4.1.1 with a bipolar transistor [4.3]
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we have:
kT Ich
Vv =V,.=— In +V_.,
[ OFFS~ Y BE 4 AK G 4.1.1)

L oprs=Ig=1/Br>

in which: k is the Boltzmann constant, T the absolute junction tempera-
ture, q the absolute value of the charge of an electron, I, the collector
current at which V,= V-l R-Veer=0, W, the base width, A, the effec-
tive emitter area, K a constant proportional to 7¥ and dependent on the
doping profile, 3. the large signal current gain, and V; the bandgap
voltage which is about 1.2V in silicon [4.4].

For the balanced configuration of Figure 4.1.2 we have:

kT, 1o, Wy kT, In [, Wy,

V.orns=Vas1—Vim = -V
rorrs Vet~ Vg2~ T T T T 61 V62
E( AR, AW, A, -AE] arki I ay
G
g\ R, W, A, K q AK w1z |
I -AR. A R
I/OFFs:(IBI“[Bz)Q“ < <- BF]
28,\ Rc Br |
I,
IIB!AS:(IB] J"IBz)/zz re
F
in which

Ie;=(Vsp-Vegr)/Rey, Iey=(Vsp- Veer) R

Ie=(Ig;+1)/2, AR-=R:;-Rcy, Re=(Re, +R)/2,

AW, =W, -W,,, W,=(W,,+W,,)/2, AK=K-K, K= (K,+K,)/2,

A4, =A, A A= (A, TA)/2 o
AT=T/T, T= (T,+T)/2, AVe=V5-Ve, 4 IBFZIBFFIBFZ» IBF:(IBFI+ﬁFZ)2 i

The single input stage has an offset voltage Vo of the order of 600mV.
Balancing greatly reduces the offset voltage to a value of the order of
0,2mV. The balancing owes its success to the well-determined voltage
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and current relations of bipolar transistors. The offset voltage of the
balanced stage consists of three terms. The first term (k7/g)(-AR./
Ro+AW,/W,-44,/A,-AK/K) represents layout mismatches and doping
inequalities of the two transistors Q; and Q,. This term is the dominating
one. It has a value of the order of 0,2mV for the present state of the art.
The second term (4Tk/q)in(I-W,/A,K) can be rated lower than 20uV if the
difference between the junction temperatures is supposed to be lower than
0.01 K [4.5]. The third term A4V, involves differences between the
bandgap voltages, which can arise from differences in the mechanical
strains of the two junctions. For two transistors situated close together in
the centre of the chip the voltage difference 4V can be estimated lower
than 20uV [4.3].

The effect of gradients in doping, temperature and strain can be canceled
in first-order approximation by using double-balanced transistors in a
crosscoupled quad layout [4.6]. This method is visualized in Fig. 4.1.3.a
and b. For linear gradients the internal pair Q,,Q,, and external pair
0,,0,, cancel each other's effects.

An additional consideration related to doping profiles is to give all
transistors the same orientation. For equal stress the aluminium and oxide
profiles should be equal around all transistors.

With a balanced input stage one can only profit from a low offset current
Lopes 1f the source circuit is also balanced. Fig. 4.1.4 shows a balanced
source circuit connected to the input of an OpAmp, whose offset and bias
quantities are shown externally. Both bias currents of the OpAmp must
flow back into ground via the source circuit. This results in two error
voltages -aRl; p,s and +(1-a)R 1, 5., of opposite polarities in series with
the input terminals of the OpAmp. These error voltages cancel each other
if the two parts aR,, and (I-a)R,, of the differential source resistance R,
are equal, i.e. if a=1/2. Hence, when a balanced source circuit is used
only the offset current /; oz results in an error voltage of R/, ,ms . But,
when an asymmetric source circuit is used with a=1, we get the much
larger error voltage of R/, 5,,c. We can expect the offset current to be a
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factor of ten or more lower than the bias current. The better the current
gains [, and S, match, the lower the offset current is.

NN
™~ \\ \\ \ \
~ N
RN \\ \
> AN G\ Q11 Qa2
N WP Gl S R Q2 Qg
A Vel U
N N
Fig. 4.1.3.a: Four transistors in a Fig. 4.1.3.b: Balanced input
crosscoupled layout subjected to a circuit with four transistors in
temperature gradient the crosscoupled quad layout of
Fig. 4.1.2.a

Another way to reduce the influence of the bias currents is to compensate
these currents with internal current sources. Here the matching accuracy
is limited to a value of the order of the offset current. However, this
method raises the input noise current minimally with a factor v2.

To further lower the offset and bias current one can try several methods.
For instance, the total emitter current can be reduced. But, this then also
lowers the transadmittance of the input stage. Super-§ transistors can be
applied [4.6], although, this requires an additional step in the integration
process. Juction FETs or CMOS transistors also can be applied [4.7].
However, in that case the offset voltage will be of the order of ten times
larger, because the voltage and current relations of JFETs or CMOS
transistors cannot be matched as precisely as with bipolar transistors.
Moreover, FETs or CMOS transistors have much more 1/f noise than
bipolar transistors.

The temperature drift of the balanced bipolar circuit of Figure 4.1.2 can
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be expressed as (for definitions see Eq. 4.1.1, 4.1.2):

aVioﬂs _k In RAA KW, _ Viofis
of q R,A KW, T

b

alioﬁs . aBF Iioﬁ‘s (4 L 3)
or oT Bp
g <o oo | Vi
| P
: : free from
| @ 'Ii offs offset and bias
S !

I i
| T J
I r——-
' \
libias  |libias

Fig. 4.1.4: A balanced source circuit connected with the input of an
OpAmp whose offset and bias quantities are shown
separately

From these equations we can draw the conclusion that if we trim the ratio
Rey/Re; such that R/Rq=A,K,W,,/A,K,W,,, then both the most
dominating term of the offset voltage (see Eq. 4.1.2), which can be
written as V. ~(kT/q)In(RA,K,W,, /R4, K;W,,), and the temperature
drift of the offset voltage will be zero. We can regard the two transistors
of the balanced stage and their collector resistors as a kind of bridge
circuit. Once the bridge balance is set to zero, its temperature drift will
also be set to zero. A basic trim circuit for a bipolar input stage is drawn
in Fig. 4.1.5 with a potentiometer. The potentiometer can be trimmed i.e.
with lazer trimming or zener zapping, or by a multiplying DAC. The
stage behind should be designed such that this balance will not be
disturbed.
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Fig. 4.1.5: A basic trimming cir- Fig. 4.1.6: A basic trimming cir-
cuit for a bipolar input stage cuit for an FET or CMOS input
stage

With junction FETs or CMOS transistors the offset voltage and drift
behave more complicatedly. The offset voltage of a single CMOS transis-
tor stage in strong inversion is equal to the gate-source voltage Vi

Vioﬁszvgs:VTH+ 21,/K (4.1.4)

in which V,, is the threshold voltage; I, is the drain current;

uC, W/L; W/L is the width over length ratio of the channel; C,, is the
normahzed gate-oxide capacitance; p is the mobility of the charge
carriers in the channel, which is about a factor 3 more for N doped
channels than for P doped ones.

For the balanced input stage of Fig. 4.1.6 in strong inversion the offset
is:

1{ ARy AK
VIOFFS:VGSI—VGSZ_AVTHE( R K],/Z I, IK

D

1| AR, AK
VIOFFSAVTHE[ R K ](VGS VTH)
D

(4.1.5)
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in which
AVTH= VTH]—VTHZ" ARD :RD}'_RDZ’. AK:KI'KZ; al’ld @IDKz VGS" VTH’ aﬂd
average values I, K, Vg, Vi

The offset voltage clearly consists of two terms. The difference in
threshold voltage AV, in the left-hand term is nearly a constant voltage,
while the two components 4R,/R;, and AK/K in the right-hand term are
proportional to the square root of the drain current I, or directly propor-
tional to (Vge-Viy).

The difference in threshold voltage 4V, is the term which is most
difficult to control. This voltage difference strongly depends on irregula-
rities of the channel doping and charge inclusion in the gate oxide of
CMOS transistors. Therefore, the offset voltage of FETs and CMOS
transistors is of the order of 2mV, which is ten times larger than the
offset of bipolar transistors. At high currents the right-hand term may
dominate the offset. This extra offset can be prevented by using large
W/L ratios of the input transistors.

The bias and offset current is very low. With junction FETs the bias
current is equal to that of the saturation current /g of a bipolar diode, of
the order of nA. With CMOS the bias current is equal to the leakage
current of the gate oxide, of the order of pA to fA.

The temperature drift of the offset voltage is

5V, ores_88Vi 1 AR, ﬁ] [ 5, 5k | [ 2D
5T  oT 2| R, K || 1,87 KT\ K ¢
Aail[ ARy AK VoV (4.1.6)
AT\ R, K |'¢ ™

with: V=V - e(T-T,), Aa=a,-a,, p=k,T7?, I,=constant, and
K=uC, WIL.
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When we have to trim the CMOS stage we encounter the difficulty that
the temperature coefficient of the left-hand term differs from the tem-
perature coefficient of the right-hand term. So, two trim actions are
needed. The left-hand term can be trimmed by inserting an adjustable
voltage in series with the gate-source circuit, as shown in Fig. 4.1.6. The
right-hand term can be trimmed in the same way as the bipolar circuit
such that 4R /R, compensates AK/K over temperature voltage.

A well-trimmed bipolar input stage may have a temperature coefficient of
the offset voltage lower than IuV/K [4.8], while a junction-FET or
CMOS stage has a coefficient lower than 10uV/K [4.14].

The supply voltage dependence of the input offset voltage is equivalent to
the terms of the common-mode voltage crosstalk if these terms are
separated for parasites connected to the positive and negative supply
voltages. This will be treated in Chapter 4.3.

4.2 Noise

Noise can be regarded as a fluctuation of the input bias and offset quan-
tities. Therefore, the same techniques can be applied as with bias, viz.
isolation and balancing. Balancing will help less with noise because of the
random character of noise.

Isolation techniques

An equivalent series spectral noise voltage source V, and an equivalent
parallel spectral noise current source I, at the input port of an amplifier
represent all noise sources of a linear amplifier, as shown in Fig. 4.2.1.a.
Often it gives us more feeling for the amount of noise, if we compare the
noise with that of a resistor. Therefore, we translate the noise voltage into
that of an equivalent series noise resistance ReqS=V2n/4kT and the noise
current into that of an equivalent parallel noise resistance R,,,=4kT, /L.
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Fig. 4.2.1.a: Noise sources in a single input stage

The first step for low-noise design is to make the noise voltage and
current as low as possible by themselves. This means R, low and R,
high.

eqs

With bipolar transistors the values of the equivalent noise resistors are
Veos=Te/2+ 1y, and r,,=2fr, in which r, is the small-signal emitter
resistance, r,, the ohmic base resistance and B the small-signal current
amplification factor. A practical value of r,, is of the order of 100Q or
higher, and of 7., of the order of 10kQ or higher depending on the
quiescent current. With junction FETs we find an equivalent series noise
resistance Z,,=0/g,,, with 6=2/3. The equivalent parallel noise resistor
represents the isolation of the gate by the gate oxide. This resistance is
very high. A practical value of r,, is of the order of 500Q and of r,,, is of
100MQ at low frequencies. In addition to the given noise values, we must
regard 1/f-noise which dominates with bipolar transistors in the frequency
range roughly below 100Hz [4.8].

With CMOS transistors the value of the 1/f-noise below 10kHz is so high
that these transistors are not used in the input stage of low-noise ampli-
fiers, unless a chopper is used to convert the low-frequency signals into a
high-frequency band. The noise voltage of CMOS transistors is inverse
proportional to the root of their gate area.

The second step in low-noise design is to optimally adapt the ratio of V,
and 7, to the signal-source resistance R,.
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The overall noise behavior may be described by the noise figure F [4.8].
This figure F can be calculated as the total available noise power of the
source P, increased by the equivalent noise power P,=V,I, of the
amplifier divided by the noise power of the source P,.

ns

P +P  (V.+V2+I} RD/AR,

P, VI/4R,
F=1+(V2/4R +I; R/A/KT=1+R, /R +RJR, (4.2.1)
Fon=1+V 1 2kT=1+2R /R,

at. R, 0p,=Vn/In:,/ReqSReqp

The minimum value of F can be found by choosing an optimum value for
the source resistance

Rs opt - Vn/ln - V Requeqp

with an equivalent series and parallel noise resistance, respectively R, =
V,./4kT and Reqp=4kT/12,,. This only makes sense under the condition that
the source power P,=V?/R, itself does not decrease. So, optimalization
by adding a series resistance or applying a parallel resistor to the source
only detoriates the available signal power of the source.

As an example in which the source resistance may be enlarged or reduced
while maintaining the same available signal power, one may choose a
pick-up coil of a microphone with a larger or a lower number of

windings, but with the same volume of copper.

As another example we may choose the bias current of the active input
devices larger or smaller in such a way that a better optimization can be
obtained.

Balancing techniques

The noise figure of a balanced input stage of Fig. 4.2.1.b is described by
Eq.4.2.2 in the case of a symmetrical source circuit (a=1/2).
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F=1+(V* 2R ,+I" R /8)/IkT=1+2R, /R ;+R J2R

F_. =1+V [ /2kT=1 +2,/Re_qs/Reqp,

at. de opt =2Vn/1n =2V Requeqp’ (4 2. 2)

eqr

free
from noise

Fig. 4.2.1.b: Noise sources of the balanced input stage
For an asymmetrical source (a=1) with a balanced input circuit we find:

F=1+(V? J2R ;+I R JMIKT=1+2R, /R ;+R J2R, .
F,.=1+V I 2kT=1+2,2R IR, ., (4.2.3)

ar: de opt :‘/ivn/ln - V 2Requeqp’

In the asymmetrical case (a=1) the noise contribution of one noise
current source is multiplied by the full source resistance. While in the
symmetrical case the noise currents of both sources is multiplied by half
the source resistance and then added as the root of the squares. This
results in a factor v2 lower noise.

Low-noise operation with F<2 is possible at values of R,, between the
equivalent series noise resistance R, and the equivalent parallel noise
resistance R,,,.
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Conclusion

From the equations (4.2.1), (4.2.2), and (4.2.3) we can draw the conclu-
sions that the minimum noise figure F,,, of the balanced input stage with
a symmetrical source circuit equals that of a single transistor stage, while
the use of an asymmetrical source circuit together with a balanced input
stage leads to a v2 larger value of the minimum noise figure. This
conclusion is only relevant if the available signal power of the source
circuit is equal in both cases.

More important than balancing is a proper choice of the bias currents of
the input devices, so that their equivalent series and parallel noise resis-
tances R, and R, , are positioned geometrically around the source resis-

eqs

tance R..

Low-noise design mmplies that the input stage will have a sufficiently high
gain so that the noise of other stages will have a negligible influence on
the equivalent input noise sources.

4.3 Common-Mode Rejection (CMCR)

The common-mode rejection ratio (CMRR) H (used here without index 1)
or the supply-voltage rejection ratio (SVRR) describe the influence of a
common-mode (CM) input voltage or supply-voltage variation on the
differential-mode (DM) driving of the amplifier. In Chapter 2 the com-
mon-mode crosstalk ratio (CMCR) was defined as the inverse ratio 1/H.
This is the ratio of an equivalent DM input voltage and the CM input
voltage, which brings it about.

Chapter 3 showed that a low value of the CMCR 1/H is needed in all
those applications in which an accurate equation is needed between the
two input voltages. A low CMCR can be obtained by two methods: by
isolation techniques and by balancing techniques. These two methods are
symbolized in Fig. 4.3.1 and Fig. 4.3.2 respectively, and will be dis-
cussed in this section.
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Isolation techniques

Electrical isolation of the input circuit is a basic method for obtaining a
low common-mode crosstalk ratio. Electrical isolation naturally adapts to
the requirement of a floating input port, because if we isolate the input
circuit, a common-mode voltage cannot influence the current distribution
in the circuit. Imperfections of the isolation determine the value of the
CMCR. Isolation can principally be realized to any large degree of
perfection.

Isolated signal transfer and power supply (Fig. 4.3.1) can be obtained by
all kinds of energy carriers. One can envision coupling by optical energy,
magnetic energy, by the magnetic field energy of a transformer, or flow
of voltage-isolated electrical charge. The last method is the most obvious
to cope with both signal transfer and power supply on a chip. There are
two different ways in which this method can be applied.

isolated
+
signal transfer z A1
: B> . . +
kN P P8 LT
F—] -

& +Ao
isolated
power supply

Fig. 4.3.1:Common-mode rejection Fig. 4.3.2: Common-mode
by isolation techniques rejection by balancing techniques

Firstly, floating capacitors can be switched to and from the isolated input
circuit to the other parts of the amplifier. The capacitors can carry energy
and signal values. Secondly, electronic current sources can continuously
carry power and signal without making a voltage-dependent connection.
The latter way of isolation by electronic current sources will be discussed
in more detail in combination with balancing.
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Balancing techniques

Balancing of the input circuit is another method for obtaining a low com-
mon-mode crosstalk ratio. Figure 4.3.2 shows a basic configuration of
grounded amplifiers with the gain factors of 4, and 4,. The CMCR 1/H
of the balanced circuit equals the relative inaccuracy of the matching of
the amplification factors:

1/H=A/A,=A4A/A (4.3.1)

with: A, =A;-A,=AA4, A,;=(4,+A,)/2=A

If only balancing techniques were used in a monolithically integrated
amplifier without trimming, the CMCR could not be guaranteed to be
lower than of the order of 1/1000 because the integrated resistors cannot
be matched better than of the order of 0.1 percent. This is in contrast to
isolating techniques which can basically be applied to any grade of
perfection at low frequencies. At high frequencies parasitic coupling
capacitors limit the isolation quality.

Combination of isolation and balancing

We conclude that a low CM crosstalk CMCR which is inverse to the
CMRR can best be achieved by using both techniques together. Current-
source isolation provides the main step on the way to a low CMCR.
Balancing further reduces the CMCR.

The combination of electronic current-source isolation and balancing is
depicted in the long-tailed bipolar transistor pair of Fig. 4.3.3.a. The
simplified equivalent circuit of Fig. 4.3.3.b clearly shows that if the tail
contains an electronic current source I , and if the input transistors have
a current-source output, the complete input circuit is only connected by
current sources with the surrounding parts. This means that the common-
mode input voltage has no influence on the distribution of the current in
the input circuit. With the ideal current sources of Fig. 4.3.3.b it does not
even matter whether the circuit is balanced or not.
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Fig. 4.3.3a: Bipolar long-tailed-pair input stage
z—
Ret Re2
+ Vod -
+ + Ye1Vbe1 l +
Vi Zpet| | Voet l AL Voe2 | |Zbe2
,éf Re1 Re2
@ w EE
Fig. 4.3.3b: Simplified equivalent circuit of the bipolar long-tailed-

pair input stage which shows the current-source isola-
tion of the CM input voltage

Common-mode cross-talk ratios (CMCR)

In practice, the equivalent circuit must be made complete by adding
parasitic impedances in parallel with the current sources. This is shown in
Figure 4.3.4, where each transistor is represented by its hybrid-n
equivalent circuit. The hybrid-m model for bipolar transistors has been
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chosen because it can easily be adapted to represent the HF behavior or to
symbolize JFETs and CMOS transistors. The tail current source has also
been provided with its parallel impedance Z,. At the input side any
externally grounded feedback or bias impedances or stray capacitances
have been represented by Z,, and Z,,.

The values of the parasitic impedances determine the degree of isolation,
and the mutual inequalities of the parasitic impedances determine the
degree of balancing. Together they determine the CMCR.

The effect of the parasitic impedances on the CMCR will be discussed
separately for each of the parasitic types. A new calculation method will
be presented which distinguishes the aspect of isolation from that of
balancing. With this method a better estimation of the crosstalk ratio as a
function of a certain design aspect can be made than with
precedingcalculation methods.

&
+ o+
p1
Voe1
id
Zpo
&
e

external feedback
orbiasimpedances

Fig. 4.3.4: Small-signal equivalent circuit of a bipolar long-tailed tran-
sition pair with parasitic impedances across the current
sources

Parallel input impedance
The effect of the parallel input impedances Z,, and Z,, on the CMCR will

be discussed in detail, while other effects are dealt with only briefly. The
common-mode crosstalk ratio (CMCR) is defined as the ratio of the
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equivalent DM input voltage which is evoked by the CM input voltage.
Hence, let us supply a CM input voltage V,. and see what is the effect on
the DM input voltage V,,. If we suppose that the parallel impedances Z,,
and Z,, are much larger than the source impedances Z; and Z,, the CM
currents I, and I, through these impedances will be mainly determined
by the parallel impedances, so: I;~V,/Z,, and I,~V,/Z,,. These currents
cause a differential input voltage V,, across the source impedances of:
Via=Zgly+Zol o7V, (-2 /2, + 2o/ Z,).

The CMCR I/H, is 1/H,=V,/V,,=-Z,/Z,,+Z,/Z,,. On inspection of the
last expression three aspects can be distinguished: firstly, the average
ratio of Z/Z, with Z = (Z,+Z,)/2 and 1/Z,=Y,=(1/Z,,+1/Z,,)/2, second-
ly, the imbalance of the source resistances A4Z,=Z;-Z,, and thirdly, the
imbalance of the parallel admittances AY,=1/Z,-1/Z,. We can now
express the CMCR with these three aspects as follows:

1/H,~(Z,/Z,)(-AZ,/Z-AY,/Y,) 4.3.2)

The first factor of the CMCR (Z/Z,) will be called the "isolation factor”.
It expresses the relative isolation of the source when loaded by the
parallel impedances. The second factor (4Z/Z-A4Y,/Y,) will be called the
"balancing factor". It expresses the relative imbalance of the source and
parallel impedances. These impedances are connected in the form of a
bridge circuit. Overall, the expression for the CMCR has a clear structure
and can be easily understood. In the extreme situation of a fully
unbalanced source or parallel load circuit, when one of the source
impedances equals zero or one of the parallel impedances infinity, the
balancing factor equals plus or minus two. In that situation the suppres-
sion of the crosstalk fully relies on the isolation factor (Z/Z,).

To depict the frequency dependency, the CMRR H, is drawn in Fig.
4.3.5 as a function of the frequency in the case in which both source
impedances amount to 1K and each of both parallel or grounded
impedances consists of only one capacitance whose values differ by 1 pF.
The example gives an idea about which values are attainable as a function
of the frequency.
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The effects of the other parasitic impedances will be treated in the same
way as has just been seen. However, the explanation will be shortened
because of their similarity, the definitions for average values and
unbalanced values will not be repeated.

? 10%-

Hil 7

10°-

1 T T T T T T
1 1k 1M

freq. (Hz) —

Fig. 4.3.5: CMRR of a balanced source circuit with two series resistors
of 1kQ and an imbalance of 1pF in the grounded load
capacitors

Collector or drain impedance

All effects are supposed ideal except for the collector-emitter impedance.

The collector-emitter impedances z.,; and z., carry the full input CM
voltage V... This results in equivalent base-emitter voltages V,,;=-V. 2.,/
2 and V,,=-ViZ,/7., The equivalent differential input voltage
Vid: VbeJ_VbeZ= Vie ('Zel/zce1+zeZ/ZCEZ) represents a CMCR:

I/H ;= (2,/2.)(-A2./2578Y oo/ Y ) (4.3.3)

The reciprocal gain ratio (I/p)=(z,/z,) Of transistors of the same type
tends to match better than their z, and z,, values separately. This holds for
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bipolar transistors, where z, and z,, are both inversely proportional to the
quiescent emitter current, as well as for JFETs and CMOS transistors,
where the I/g, and z, are both likewise dependent on the quiescent
source current and on the length-to-width ratio. For this reason, it is
realistic to replace (4.3.3) for (4.3.4):

1/H, = (1/u)/(-Au/p) (4.3.4)

A lower CMCR can only be obtained by cascoding the input stage while
the reference base or gate voltage of the cascode stage is bootstrapped by
the CM input voltage.

Tail impedance

The tail impedance Z,, also carries the full CM input voltage V. This

causes a tail current I,,=V,/Z,,. This current brings about a crosstalk if
the emitter circuit or the collector circuit is unbalanced:

IH ;={R,+72,)/2Z,,}{-AR,+2,)/(R,+Z,)+ AR /R } (4.3.5)

When a tail current source is used with a transistor Q; in a common base
connection with an emitter resistance R,; the value of I1/Z, is
1/Z,,=1/u(R,;+2,3) + 1/Bsr 03+ 1/r,;. Taking only the first term of this
expression into account, we obtain:

1/H3={(Re+ze)/2p(Rej+zej)}{-A(Re+ze)/(Rg+ze)+ARC/RC} (4.3.6)
A lower CMCR can only be obtained by cascoding the tail-current
source, or if the tail-current source can otherwise be compensated for a
constant output current.

Collector-base impedance

All other effects are supposed ideal, except for the collector-base
impedance. The collector-base impedances Z,, and Z,, contribute firstly
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to the crosstalk ratio like the parallel input impedances in the preceding
case. This contribution is:

]/H41 = (Zs/zcb) ("AZS/Z:'Aycb/ycb) (4 3. 7)

Secondly, the collector-base impedances cause a direct signal transfer
from the input towards the output. The collector-base impedances and the
collector load resistances R, and R, make up a bridge circuit. The
CMCR can be calculated by dividing the transfer of that bridge by the
differential-to-differential voltage gain factor 4,,=R/(R,+z,). This results
in:

]/H42 = {(Re +Ze)/zcb} (-ARC/RC—Abe/be) (4 3. 8)
This CMCR component is absent in CMOS at low frequencies.
Base impedance

The base-emitter impedances z,,, and z,,, connect the input terminals with
the emitter circuit. Via these connections the base currents can reach the
input terminals. The common-mode base currents are a factor of
1/p=1z,z, lower than the CM tail current I,,=V,/Z,, and the collector
current .=V, /z,,. These base currents load the source circuit and a
CMCR arises:

1/Hs=(Z/Pe,,+Z,/P22,){-AZ/Z-A(1/B)/(1/0)} (4.3.9)
This CMCR component is absent if the tail-current source is ideal.
Back-gate influence
N-channel CMOS input stages have a strong disadvantage regarding
CMCR. Fig. 4.3.6.a shows the situation. Besides the normal gate, there

is the back-gate, which is connected to the substrate in most CMOS
processes for the N-channel transistor. The back-gate has a transconduc-




4. INPUT STAGES 97

tance g,, of the order of 10 times smaller than the normal transconduc-
tance g,,. This limits the isolation factor g,,/g,, to about 10"

If we estimate differences in back-gate transconductances of the order of
Ag,./2.,=1%, then an additional partial crosstalk ratio will be added

1/Hy cr05= 8t/ 8 A8 ms/ & (4.3.10)

which is of the order of 103 or -60dB.
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Fig. 4.3.6.a: N-channel CMOS Fig. 4.3.6.b: P-channel CMOS
input stage with substrate- input stage with source-connected
connected back-gate bias back-gate bias

This severely limits the minimum CMCR of N-channel CMOS stages.
With P-channel CMOS stages of Fig. 4.3.6.b the situation is better,
because we have access to the back-gate and are able to connect this to
the source. The remaining CMCR of P-channel CMOS input stages in
strong inversion is maximally 10* or -80dB, which is still a factor of 10
worse than that of bipolar transistors because the internal gain factor u of
FETs is lower than that of bipolar transistors. However, the lower the
bias current is taken, or the larger the W/L ratio, the more the FET
approaches the gain factor of bipolar transistors, because the g, is
proportional to the root of the current and W/L ratio. In weak inversion
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the g,, 1s only roughly a factor of about 2 lower than that of the bipolar
transistor. Again, cascoding of the input stage with bootstrapping of the
cascode gate voltage by the CM input voltage can strongly improve the
CM crosstalk.

Total CMCR

The total crosstalk ratio //H, can be found when we superimpose all
partial crosstalk ratios. In the worst case, the total crosstalk ratio is the
sum of the absolute values of the partial crosstalk ratios:

l]/Hfls|1/H1|+]}/H2|+11/H3|+}1/H41|+}1/H42|+11/H5' 4.3.11)

The most dominating partial crosstalk ratios are I/H, and I/H,. The ratio
1/H, is a consequence of the finite value of the collector-emitter-
impedance z,, or drain-source impedance Z,. This ratio is determined by
the finite value of the internal voltage gain u=r,/r, or p=r,g, of the
input transistors. The ratio //H; is the result of the finite value of the tail
current-source impedance Z,, or Z,. Also this ratio is mainly determined
by the finite value of the internal voltage gain u; of the current source
transistor Q; or M; and its degeneration emitter or source resistor R;.

With the bipolar circuit of Figure 4.3.2 isolation factors of 2.10* and
balancing factors of 5.10? can be obtained, which leads to a CMCR of
10°. With CMOS we obtain a CMCR of 10*. At low frequencies, a prac-
tically unlimited improvement of the isolation can be obtained by using
composite transistors for the input pair as well as for the tail-current
source. Cascoding is one of the basic options.

To obtain a low overall CMCR I/H of a complete OpAmp the input or
first stage should have a low total CMCR //H, (the index number refers
to the stage number here) as well as a low reciprocal discrimination factor
1/F,. This reciprocal factor is defined as the ratio of the CM-to-CM and
the DM-to-DM voltage gains. The reciprocal discrimination factor for the
input circuit of Fig. 4.3.4 is:
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1/F,=(R,+2,)(-1/2Z,,+1/Br,,+1/r.,) (4.3.12)

This expression shows that isolation is the only method to obtain a low
reciprocal discrimination factor. A low reciprocal discrimination factor
reduces the contribution of the CMCR 1/H, of the second amplifier stage
to an overall value of 1/F,H,. It further reduces the extra crosstalk which
arises if one of the stages is used single-ended, as is required in an OVA.
If the second stage with a reciprocal discrimination factor //F, is used
single-ended, the contribution to the crosstalk is I/F,F,. The overall
CMCR is in that case:

[1/H |<|V/H [+ F \H|+[l/F\F). (4.3.13)

Conclusion

From the preceding discussion we can conclude that the common-mode
crosstalk ratio (CMCR) of an input stage can be made low by isolation
and balancing. Partial crosstalk ratios, as a result of each kind of parasitic
current-source impedances, can be expressed as a product of an isolation
factor and a balancing factor. Isolation can be performed practically to
any degree of perfection at low frequencies by using composite transistor
combinations. Balancing depends on the matching inaccuracies of inte-
grated components. The minimum dominating crosstalk is limited by the
internal gain of the transistors and is I/H,= (1/u)(Au/p).

For bipolar transistors this is of the order of 10°, for P-channel CMOS
transistors with source-connected back-gate 10“, and for N-channel
CMOS transistors 10° because of the influence of the back-gate. The
CMRR further decreases as a function of the frequency because of the
influence of parasitic parallel capacitors.
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4.4 Rail-to-rail Input Stages

The trend in lower voltages, going from 30V, 12V, 5V, 3V, 2V, and
finally 1V, forces us to design input stages which maximally utilize the
voltage range between the negative and positive supply rails. For
instance, a large input range is required for a voltage follower buffer

application with a high input impedance, as shown in Chapter 3.2 and
3.4.

Looking at the usable input range of input stages of Fig. 4.4.1, we find
that the common-mode input voltage range of a P-channel input pair,
M -M,, is limited between:

_VGS + VDsat+ VR3,4 + VSS < VCM < VDD_ VGS_ VDsat (4 4 ] )
where Vi, is the common-mode input voltage, V,, is the gate-source

voltage, V), is the saturation voltage across a current-source, Vp, and Vg
are the positive and the negative supply-rail respectively.

Fig. 4.4.1:  Common-mode input voltage range of a P-channel and an
N-channel input stage

The common-mode input voltage range of an N-channel input pair,
M,-M,, is given by:

Vst Vos+ Vo <Vou <Vop+ Vs Vi Vs 2 (4.4.2)

sat
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The CM range of the P pair may downwards exceeds the negative rail by
-Vist Vit Vis 4. Similarly, the CM range of the N pair may upwards
exceeds the positive rail by Vi-V,,~Vz; ,. This will not be the case if the
load resistances are replaced by diodes for current mirrors. For this
reason current mirrors can not be used behind the input stage, but rather
folded cascodes.

If the N-channel and P-channel input pairs are placed in parallel, as is
shown in Fig. 4.4.2, the common-mode input voltage range becomes:

_VGS+ VDsat+ VR3,4+ VSS < VCM < VDD + VGS_VDsat_VRI,Z (4 4, 3)

7.4
2 Vgs

Fig. 4.4.2:  Rail-to-rail CMOS complementary input stage

To avoid a forbidden voltage range in the middle of the rail-to-rail
voltage range of the complementary input stage [4.1] the supply-voltage
should have a minimum value of:

V.

sup, min

=2 VGS +2 VDsat (4 4. 4)

Using CMOS technology, the minimum supply voltage for full rail-to-rail
operation is approximately 1.8V. Of course, this voltage depends on the
bias-current level and the threshold voltage of the transistors. In bipolar
technology a minimum supply voltage of 1.6V can be obtained.
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The folded cascode transistors M;-Mj, together with the current-mirror
connection of M, and M, add the output currents of the complementary
input pairs.

A drawback of the simple complementary input stage of Fig. 4.4.2 is that
the transconductance g, varies a factor two over the whole common-
mode input range depending on which tail current sources are saturating,
as is shown in Fig. 4.4.3, supposedly that the g, of each of the N en P
channel pairs is equal to g, This impedes an optimal frequency
compensation of the amplifier [4.9], as we will see in Chapter 6.

o}
P+N pair
2 ImRet ] g
mtot
P pair N pair
1 ngef
0 i i %
Veg low intermediate . high Voo

Fig. 4.4.3:  The transconductance g,,, versus the common-mode input
voltage for a complementary input stage

Constant g,, by constant sum of tail-currents

In bipolar technology, the g, of a transistor is proportional to the
collector current. Therefore, a constant g,,, can be obtained by keeping
the sum of the tail-currents of the complementary input stages constant. A
realization is shown in Fig. 4.4.4. Depending on the common-mode input
voltage, the current switch Qs directs the tail-current I, to either one of
the input stages [4.10]. The result is a constant g,, over the whole
common-mode input range, as is shown in Fig. 4.4.5.
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This result is also clear from:

aly,, (1-a),, I,

Emtot 8m N*Em pTT T T (4.4.5)

Vr Vr Vi

with: a=I;/Iy,, and V,=kT/q

There is another undesirable property of a complementary rail-to-rail
input stage. The input offset voltage changes between that of the NPN
and PNP pair when the CM input voltage crosses the turnover range. The
turnover range is stretching out for about 120mV for bipolar transistors,
centered around the reference voltage Vi,. Proper circuit layout with a
cross-coupled quad for each input pair can typically keep the untrimmed
offset voltage change in the order of 0.1mV for bipolar transistors.

& Wl ol B

+V,

in

Fig. 4.4.4:  Rail-to-rail complementary bipolar input stage with switch
Qs and 1:1 current mirror Q;, Q, to keep the sum of the
tail currents constant, and hence the g,,,, constant

This means a CMCR in the turnover CM range of:

1/H=0.1/120=1/1200, or -62dB (4.4.6)
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The CMCR can be improved by a factor of 10 or 20dB by inserting a
resistor in series with the emitter of Q5 because this spreads the turn-over
range. However, this somewhat increases the minimum supply voltage
for rail-to-rail operation.

ng (b) Gpyot Strong inversion
? Omrer 40%
N
T OmRet == I =
(a) g0t iPOlar or weak inversion
0 I ) ) F——
Ve low intermediate I high Vop

Fig. 4.4.5: The transconductance g,, Versus common-mode input
voltage V,, for the complementary input stage with a 1:1

current mirror for bipolar and CMOS technology in weak
and strong inversion

In CMOS technology, the g, of a transistor is proportional to the drain-
current if the transistor operates in weak-inversion. In this case, the g,
can be kept constant by using the same circuit as in bipolar technology. In
strong-inversion however, this scheme leads to a g,, which varies
approximately 40% over the common-mode input range, as shown in Fig.
4.4.5. The reason is that the g, of a MOS transistor, which operates in
strong-inversion, is proportional to the square-root of the drain-current,
according to:

gm:K(VGS_VTH):VZKID (4.4.7)

with: K=uC, W/L, p is the mobility of the charge carriers, C, is the
normalized gate-oxide capacitance, and W/L is the width over length ratio
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of the channel. It is further assumed that the P-channel transistors have a
W/L that is about three times larger than that of the N-channel
transistors, to compensate a three-times smaller mobility x of the P-
channel transistors.

Constant g,, by constant sum of roots of tail currents

In Fig. 4.4.6 a rail-to-rail input stage is shown, which has a largely
constant g, when the input transistors operate in strong inversion by the
use of 1:3 tail current mirrors [4.3]. If both input pairs operate, the tail-
currents of both input pairs are equal and have a value of Ipes.

I only one input pair operates, the current-switches M, and M,, and the
1:3 current mirrors MM, and M,-M,,, increase the tail-current of the
active input pair by a factor 4. Thus, the tail-current of the actual active
input pair has a value of 4 Iz,;. The result is an approximately constant
8nor- 1N the transition regions of the current-switches the g, varies about
15%, as is shown in Fig. 4.4.7 [4.11].

It should be noted that at low supply voltages we have to avoid the two
current mirrors with gain of 3 being active at the same time. Otherwise a
large current is generated by positive feedback [4.11]. We can avoid this
by preventing that the gate voltage V,;, becomes lower than Vgs at low
supply voltages by using a clipping circuit.

The circuit of Fig. 4.4.6 has two transition ranges of the CM voltage
centered around Vg, and Vj,-Vy,. We estimate a total offset change of
ImV with a carefully designed circuit layout. Then, the common-mode
crosstalk ratio (CMCR) in both the transition ranges of 500mV for
CMOS is:

1/H=1/500, or -54dB (4.4.8)

Outside the transition ranges the CMCR is much smaller, meaning better,
depending on the CMCR of the single P and N channel stages.
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¥ 1:3 I F e
V(D MeL’_‘lt!‘_'[\JW el i R11m R12[E ()_Vm
M M
! ° M, Ij M, My, 12
I
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Fig. 4.4.6:  Rail-to-rail CMOS input stage with 1:3 current mirrors to
keep the g,,,, constant
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Fig. 4.4.7:  The transconductance g, versus the common-mode input
voltage V., for the complementary input stage with 1:3
current mirror of Fig. 4.4.6

Constant g,, by spill-over control

Another simple and robust approach to an R-R complementary input stage
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with a reasonable constant g,,, by means of "current spill-over control”
[4.12] is shown in Fig. 4.4.8. The control transistors M and M, spill the
current which is not needed by the input pairs M,M; and M,M, into the
supply rails.

The transistors M; and M; together with the input pairs M,M; and M,M,
shape a voltage translinear loop:

Vst Ves247Vess™Voss (4.4.9)

We choose the W/L ratio of M; and M; six times that of M, through M,
And, we choose all P-channel transistors roughly three times wider than
the N-channel transistors for compensating the g,s for the mobility
differences between the P and N complementary pairs. Then, the sum of
the voltages is proportional to the sum of the roots of the currents in
strong inversion, So:

\/151,3 +\/Isz,4:\/ls5/6+ L6

(4.4.10)
:\/(Slkef_2131,3)/6 +‘/(8IRef—2152y4)/6

In the middle position of the CM voltage at V,,,, =V}, the currents through
both pairs are equal Iy =l +=lry, and  I=I(=06l,,. The
transconductance of the two pairs in parallel equals g, ,+ 8mv=28mrer» With
Gurer= V2K, K=pC, W/L.

At the end of the CM range, in which both pairs are still active, but one
pair is on the verge of non-conduction, we have I5; ;=0 and then I, ,=
3y OF Iy ;=31 and I, ,=0 according to (4.4.10).

The transconductance of the two pairs in parallel equals g,,,= V38 ke
This is only 14% lower than the 28 rer Of the middle position.

Extending the CM voltage further, the current in the most active pair
grows to Iy ;=4I or Isy =4I, while the other pair is cut off
completely. This returns the transconductance to the same value of the
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middle position g,,,,=2 &z A picture of the g, Versus the CM voltage
is shown in Fig. 4.4.9.

B & Vgp
éllm=8[ﬂef R”D Rm[j +
ol
M, M, 6x] My| My My '
e T .
v 6x

in

L Qe

lIHZ:SIRef Rz RﬁQ

& A
Fig. 4.4.8:  Constant-g,,, rail-to-rail input stage with current-spill-over
control
29t Imtot
QmT
9mN ImpP
I 1
Ve2 — Vem

Fig. 4.4.9:  The transconductance g, Of the rail-to-rail input stage
with current-spilling control of Fig. 4.4.8

The input stage with current-spilling control is simpler than that with the
three-times mirror or square-root current control. Moreover, the circuit
can switch faster because there are no mirrors. But the price we have to
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pay is that we have to spend four times more current in the middle
position of the CM voltage. The circuit with current-spilling control is
very robust and can be adapted to obtain other features.

One of the disadvantages of most R-R input stages is that the output drain
currents of each pair varies from 0 to 4/, as a function of the CM input
voltage.

The summing circuit has to cope with this variation and may produce a
CM voltage dependent offset, or may be more difficult to optimize. The
circuit with current-spilling control can easily be adapted to produce a
constant output current. To this end, we split the switching transistor M,
and M into two transistors each M;, M, and M, M, and connect the
drains with the outputs of the input pairs, as shown in Fig. 4.4.10.

The circuit with current-spilling control can further be improved by
inserting a voltage difference V,g between the gates of the P and N
switching transistors as shown in Fig. 4.4.10. By this voltage difference
the W/L ratio of the switching transistors can strongly be reduced, while
maintaining a 6 to 2 current ratio in regard to the input transistors.

& Vsp
é l'z1=81Ref RM‘j R12[‘] +

@llgg:glﬂef Rm[J R”L]
I Ve

Fig. 4.4.10:  Current-Spilling switches keep the output current of the
input pairs constant as well as the g, .,
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Finally, the transient region can be increased by a further increase of Vg
and a decrease of the W/L ratios of the switching transistors, which
improves the CMCR ratio in this region (see also Fig. 4.4.13 and Fig.
4.4.14).

The R-R input stage with current-spilling control can also be used to the
advantage of a bipolar or weak-inversion CMOS input stage as shown in
Fig. 4.4.11. The translinear loop keeps the total g, theoretically
constant as shown by (4.4.11) and (4.4.12) [4.12] .

V

se3+Vaeza™Vaest Ves (4.4.11)

When we suppose emitter areas for Q5 and O, two times larger than that
of Q,, Q;, and Q,, Q,, respectively, we find:

IEI,B'I E2.4 =lpsdgg

IE1,3'1E2,4:(IRef_IEI,3)'(IRef_IE2,4) (4.4.12)

Il I

I E2,4" 'Ref

E13"
ng +gmN :ngef

& Vgp
l‘zr_‘mﬂef Ry, ng] +

Q, Qg Q| Qg I,
+ QZ Q4 —= & Vout
Vin
- gi

@l122=21i'—?ef Rw[; R,,Q
—Z Vg,

Fig. 4.4.11: Bipolar or weak-inversion CMOS rail-rail input stage with
current-spilling control
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The sum of the g,s is depicted in Fig. 4.4.12 as a function of the CM
input voltage.

Imtot
mRef
ng
9N [ | SmP
Vio —Vem
Fig. 4.4.12: The transconductance g,,, of the bipolar or weak inversion
CMOS input stage with current-spilling control of Fig.
4.4.11
é ¢121 = 2l et
Q, Q,
+ Q, Q
Vin
- &

+
@llzf 2lRef VB2<> R13m an

& Vg

Fig. 4.4.13: Rail-rail input stage with bipolar or weak inversion CMOS

transistors with split and degenerated switching transistors

The R-R input stage with bipolar or weak inversion CMOS transistors can
also be adapted to deliver a constant output current by splitting Qs and O
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into Qs, @, and Q, Q. In order to improve the CMCR [4.12] we can
insert a voltage difference V,; between the bases of Qs, O, and Q4 Qg and
degenerate the emitters of these transistors with resistors R; through R,
with a value of R=V,y/I,,. This extends the CM input transient range of
going from the offset of one input pair to the other by Vs The circuit
with bipolar or weak inversion CMOS with split switching transistors is
shown in Fig. 4.4.13, while its total g, as a function of the CM input
voltage is shown in Fig. 4.4.14. The absence of current mirrors makes
this circuit fast in a response on a large CM swing.

Imtot
ImRef

o]

Vg2 — Vem

Fig. 4.4.14: The transconductance g,,, as a function of the input CM
voltage of the R-R input stage with bipolar or weak inver-
sion CMOS transistors of Fig. 4.4.13

Constant g, in CMOS by saturation control

An alternative approach is to use the saturation of CMOS current-source
transistors to control the tail currents of the complementary transistors.
The circuit is given in Fig. 4.4.15 [4.13].

The main tail current sources have a value of 8l which is four times
larger than needed. However, a compensating current source from the
other side with a value of 6/, brings the total tail current back to 2ly,,
which results in a g, at one side.
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5 —2 Vep
’———l:H—QI v,
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Fig. 4.4.15: Rail-to-rail input stage with controlled g,,,, by the use of
saturation transistors

When the CM range is in the middle both tails get 81, -6Ir,= 2Iy,.. This is
Irs per transistor. This leads to a total g, =g+ 8np=28mres=2 V(2K

At the end of each range both current sources at one side are cut off. This
results in one pair, while the other pair has a tail current of 81, This
results in g, .=V (2K4g,=2v(2K1y,y =28z, Which is equal to the value
in the middle situation.

In the case where the current sources at one top or bottom side start to
saturate, the main tail current source with a nominal value of 81y, will
only be partly saturated because it is kept at the value of 6l of the
compensation source from the other side. The compensation current
source at the one side simultaneously saturates from its nominal value of
61, until 0. The result is that the complementary input pairs keep the
sum of their g,s reasonably constant as shown in Fig. 4.4.16 [4.13].
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Fig. 4.4.16: The transconductance g, of the R-R input stage of Fig.
4.4.15 with saturation control

Constant g,, in CMOS by multiple input stages

Another approach to rail-to rail input stages with constant g, is worth
mentioning. In this case the currents from mirrors or by saturation control
are steered into additional input pairs. Now, not only the current doubles
at one side, but also the total W/L ratio doubles at that side. This results
in a ripple of the total g, of 14% [4.14] [4.15].

Constant g, in CMOS by constant sum of Vg
Probably the most essential way to achieve a constant g,,, Over the rail-
to-rail CM voltage range with a CMOS circuit in strong inversion is to

keep the sum of the gate-source voltages constant, as this keeps the sum
of the g,s constant [4.11]:

Vvt Vase=Von Ve 2 2/ K=V (4.4.13)

8+ 8 mp =2 2K e =8 o (4.4.14)
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with: Vg is the gate-source voltage of the N-channel pair, Vi, that of the
P-channel pair, V,y the threshold voltage of the N-channel transistors,
Ve that of the P-channel transistors, g,y the transconductance of the N-
channel pair, g, that of the P-channel pair K=uC, W/L, and supposed is
that we have compensated 1 difference in u, and uy by their W/L ratios,
and g, =K(Vgs-Vi) = v(2KIp).

The implementation of a constant sum of the gate-source voltages of the
N-channel and P-channel pair can be obtained by an electronic zener
diode Z, as shown in Fig. 4.4.17 [4.11].

’ lé M):” “ﬂMm o

81

Ref ) Tosumming

circuit

M13 M14
Vin+ M, 1 Z M12 Vin_

2 To summing

circuit

M, Z

M2g! gi ”:Mw
& | 2 Vsg

Fig. 4.4.17: Rail-to-rail input stage. The zener diode Z makes the g,,,
of the input pairs constant

A realization of the electronic zener diode is presented in Fig. 4.4.18.
The diode-connected transistors M,; and M,; form a reference chain. The
current through this chain is set by the W over L ratios of the diode-
connected transistors and the voltage across the chain. M,, and M,; form
the two transistor gain stages. Transistor M,, is biased by the constant
current source, M,,, which has a value of I, The current source, My,
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drains the extra current of M,,. The transistor stage M,; controls the tail-
currents, and therefore the gate-source voltages of the input pairs.

# 2 Voo
8:1
(O A Dves

8IRet

& Tosumming
— circuit
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S‘ﬂ_{ E‘ M22
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7 Tosumming
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M, H 15 !

—I% gl‘_ Ii:‘Mzs
& FJT FJ L—l 8:1 B Vas

zZ
N

Fig. 4.4.18: Constant-g,, rail-to-rail input stage with an electronic zener
diode, N and P are the W over L ratios of an N-channel
and a P-channel input transistor, respectively [4.11]

The principle of the circuit can be best understood by dividing the
common-mode input range into three parts.

If low common-mode input voltages are applied, only the P-channel input
pair operates. In this range the currents through the reference chain, M,
and M,;, and the regulator transistor M,;, are zero because M; saturates
and the sum of the voltages across M,; and M,; is too small. M,; prevents
the saturation of M,,. Thus the tail-current of the P-channel input pair is
equal to 81, of M.

If intermediate common-mode input voltages are applied, the P-channel
as well as the N-channel input pair operates. In this range M,, biases M,,.
The current through M,, is regulated to be equal to I, of M,,. If M, and
M,; have the same W over L ratios, then the current in the reference
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chain is also set to I, Consequently, the tail-currents of both input pairs
are equal to 2I,,. The regulator transistor M,; takes the residual current
8IR€f—2[R€]r]IR€f= 51Ref'

If high common-mode input voltages are applied, only the N-channel
input pair operates. In this range the current through the reference chain
and M,, and M,; is zero. M, takes away the current of M,, and feeds it to
the drain of M,,. Now, it can be concluded that the tail-current of the N-
channel input pair is equal to 8, of M,;.

1.3 4
1.2
9m
1.1 4
5% 5%
gm tot

(9mRef) 1.0
0.9+
0.8+
0.7 | T T | | T i T

-0.5 0 0.5 1 1.5 2 2.5 3 3.5

Fig. 4.4.19: Total transconductance g, versus the common-mode
input voltage for the constant-g,,, input stage with the
electronic zener circuit of Fig. 4.4.18

The total transconductance g,,,, versus the common-mode input voltage is
shown in Fig. 4.4.19. From this figure it can be concluded that the g,,, is
nearly constant over the common-mode input range. In the transition
regions the current through transistor M,; gradually changes from zero to
31y, or vice versa. The result is a 5% variation of the g,,, due to the fact
that the voltage across the electronic zener is slightly current dependent.
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Rail-to-rail in CMOS by back-gate driving

An alternative approach to a 1-Volt rail-to-rail input stage is depicted in

Fig. 4.4.20 [4.16].
2 Vbp
O M7l:|| 0 ILJM
Rk

! |-

:
g °
Vi
- &

MSE”"J‘ RW CjVRef @VR‘”
- 2 Vss
Fig. 4.4.20: Rail-to-rail 1-Volt CMOS input stage with back-gate input
connection

The back gates of the input transistors are used as input terminals. The
&mo OF this stage is roughly a factor 10 lower than the g,,, of a normal
differential pair. Therefore, the offset and noise will be reflected a factor
of 10 larger than that of a normal driven pair.

Extension of the common-mode input range

Besides techniques to provide input stages with a rail-to-rail common-
mode range, other techniques have been developed to provide input
stages with common-mode ranges far below the negative rail voltage or
far above the positive rail voltage [4.17].

Conclusion

It can be concluded that low-voltage complementary rail-to-rail input
stages are feasible in bipolar as well as in CMOS technology. In bipolar
technology the g,,,, can be kept constant by mainly keeping the sum of the
tail currents constant, while in CMOS the g,,, can be kept constant by
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mainly keeping the sum of the gate-source voltages constant. In the
transition regions the common-mode rejection ratio is degraded because
of the transition of the offset of one pair to that of the other pair. Many
variations on these themes have been successfully realized.

4.5 Problems and Simulation Exercises
Problem 4.1

The circuits in Figure 4.4.1 show two input stages which use NMOS and
PMOS devices. Considering the tail current in both circuits 7,,,=40pA,
load resistors R,=R,=R,=R,=10KQ and supply voltage Vp,-Vs=3V,
calculate the common-mode input range for both circuits. Using these
ranges, determine the minimum supply voltage so there is no gap between
the common-mode input range of the PMOS and NMOS input pairs. At
the minimum supply voltage, how far can the supply rails be exceeded by
the common-mode input range? The parameters of MOS devices are:
Vyn=0.7V, Vyup=-0.8V, K,=22uA/V?, Ky=75pA/V*. All devices have
W/L=100u/In. The saturation voltage of [, current source is
Vosa=0.2V.

Solution

As the circuits are balanced, the DC current through all transistors will
be

I,
1= ‘2‘”’ =20pA 4.5.1)

This in turn produces the gain-source voltage for MOS transistors to be
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V

osv=Vrun*

THN

(4.5.2)

Visp=

The common mode input range for the NMOS pair is limited by

Vininn™VsstVosntV

SV +0.973V
:VDD“R110_<VGS _VTHN)+VGSN:VDD+O'5V (4.5.3)

Vop—Vss —RXID—~(VGSN—VTHN)=2.527V

VimaxN
V.

imaxN iminN

and for the PMOS pair:

V. .

iminP "~

V.

imaxP

V. V.

imaxP " iminP "~

Vis*R I p _(VGSP - VTHP)+ Vsp=Vss=0.6V
Voo~ VosaVasp=Vpp~1.134V (4.5.4)

Vop=Vss R, +(VGSP - VTHP):2'466V

Note that the range for PMOS devices is smaller than the corresponding
input range for NMOS devices, due to operating identical sized transis-
tors of both types at the same current. The minimum supply voltage can
be calculated by forcing equal values for V,,,,y (Equation 4.5.3) and V,,,.»
(Equation 4.5 .4)

Vit0.973V=V -1.134V (4.5.5)
which produces the minimum supply voltage

Vop=Vss=2.1V (4.5.6)

Independently of supply voltage value, the supply rails are exceeded by
common-mode input voltage range with
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|4

imaxN

V-V,

iminP

V,,=0.5V
0.6V (4.5.7)

Problem 4.2

For the input stage shown in Figure 4.4.2, design the output transistors
M; to My so they work with I,=20uA at V.= V,,,=0.2V and the biasing

sat

source V, for maximal output range. Then calculate the equivalent G,, of
this input stage at common-mode input voltage for which only one of the
input pairs or both of them are working, for input devices sized
W/Lnios=30u/21, W/Lpyos=175p/2p and operated with tail currents
I, =I,=40uA from sources with the saturation voltage Vj,=0.2V.
Estimate the output impedance of this transconductance amplifier.
Transistors have parameters: Viy=0.5V, Viyyp=-0.6V, Kp,=I16pA/V*,
Ky=56uA/V?, Ap=Ay=0.1V', A parameters representing the channel-
length modulation of the transistors. The resistors are all equal to J0K£2,
and the supply voltages are V,,=-V=2V.

Solution

The complete expression of I,(Vgs, Vpg) for a MOS transistor working in
saturation is

K W(V

ID:E'Z Gs_Vm)2(1 +}“VDS) (4.5.8)

The equation above shows the role of channel length modulation by
drain-to-source voltage and can be used to derive the drain-to-source
conductance

dl
84 =—— =M, (4.5.9)
av,,

Sizing of transistors M, to M, can be made knowing their drain current
and gate overdrive voltage
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W ) 21 D _ig
LM6,M8 K.V2
P (4.5.10)
w D _62

Lysm7 K PVéSeff

This provides the current through the resistors and the V for cascode
transistors, so V; should be at least

I
V=LR,+ GS7=(%+ Ry Vigp+Visy=12V (4.5.11)

Calculating the equivalent G,, can be reduced to calculating the input pair
8n and the common mode input range domains where each of the input
pairs is active. Using Equations (4.4.1) and (4.4.2), these domains can be
calculated based on
J21
V :V +—D :0.619V

GS M,M, Y THN

w

K.

YL

21,

Vas M3,M4:VTHP_ _W=—O.719V (4.5.12)

K,

L
Vo p=0-119V
V=R J.=0.4V

VvV, =02V

Dsat

Using these values, with Vig,; . taken in absolute value, the CM input
range limits for the PMOS and NMOS pairs become
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Vinin=Ves MM, VeunpVrtVss=—22V

VimaxP = VDD B VGS MyM, - VDsat =1.08V

Viminn=Vss* Vs M,,M2+VD =-1.18V

i sat
VsatN,P B VR =2.1V

(4.5.13)
Vimaav=Vop* Vos MM,

Due to transistor sizing, which is proportional with K/K,, g, of input
pairs are equal

21
8y p=——=33618 (4.5.14)

satN,P

The equivalent G,, is given by

Gm (V <Vin< ViminN):gmN,P :336I‘LS

iminP
Gm (ViminN< Vin< Vimaxl’):?‘gm}v’p :672[1,8 (4 5. 15)
Gm (VimaxP< Vin< VimaxN) :gvap =33 6[LS

The impedance of the cascoded output stage is given by the voltage gain
of cascode transistors and biasing resistors

:gm7: 1

b W
Jur s (4.5.16)
)I(1gRy +——)=250KC2

ds7 84s8

Z,=(1,R;+

Problem 4.3

Design the circuit in Figure 4.4.8 for a transconductance gain
Y=400uA/V. The transistor parameters, transistor sizes, resistor values
and output transistors drain currents are the same as in Problem 4.2.

Solution

The transconductance gain is given by the input g,
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1%
Y=2g,1,=2 2KN‘L—IDZ (4.5.17)
\j 2

which in turn makes the drain current of the input devices to be
Y
(5)2
Ipp=—;=14p4 (4.5.18)
2K, —

L,

The transistors M; and M; are sized to be six times larger than the input
devices

W _ W 1050

Ly L,y 2p

W_ W _300u (4.5.19)
L, L,, 2u

and the tail current sources must supply eight times more current than
needed for each input device

L =1, =81, =112pA (4.5.20)

Vp, differs from the one calculated in exercise (2) because the current
through resistor R,, has changed

Vi =LoR 1, Vs :(IDZ *Imz)Ru ViuptVasey=1.14V (4.5.21)

Vi, can be calculated knowing the Vi, is equal with Vg, as for transistors
operated at currents proportional to their size

Ve2=Vos6* Vs =0-819V (4.5.22)
As a matter of fact, Vj, can have any value in the region of common
mode input range where both input pairs are active. The other limit for
Vi, can be easily calculated considering the results of Problem 4.2.
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Rail-to-Rail input stage with summing circuit

Fig. 4.5.1:
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Simulation Exercise 4.1

The input stage shown in Figure 4.5.1 is a rail-to-rail input stage which
can also be considered a single-stage operational amplifier. Using a
circuit as the one shown in Figure 2.8.2, simulate the AC behavior of this
input stage. If using the same RC load, intended for an output stage, the
gain and frequency behavior of the input stage will be strongly degraded.
What is the usual load driven by a CMOS input stage?

Simulation Exercise 4.2

A transient analysis circuit for the rail-to-rail input stage is shown in
Figure 4.5.2. This circuit can be used to plot the g,, (V) curve which
can affect the stability of an entire amplifier if not known in advance. The
10mV DC input signal is used to obtain a current at the output of the
input stage while the V; OV DC voltage source keeps the output of the
stage at constant voltage for appropriate biasing. Simulate the g,, (V)
curve for the circuit in Figure 4.5.1 and calculate the percentage of g,
change over the whole V,, range. How large can the input voltage V, be
and what limits this value?
Vsp

Input stage

v

Fig. 4.5.2:  Input stage simulation circuit for transient analysis
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Simulation Exercise 4.3

For the rail-to-rail input stage in Figure 4.5.3, use the circuit depicted in
Figure 4.5.2 to simulate the g, (V, behavior. A OV DC voltage source
inserted near the source or drain of M,, and M,, can be used to plot the
drain current of these transistors as a function of V,,,. What is the ratio of
these currents to the drain current of M, and M, respectively?
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5. OUTPUT STAGES

The output stage of an operational amplifier has to provide the load
impedance Z, with the desired output voltage V,, and current /,, resulting
in an output power P,=V,l,. The main requirements of the output stage
are: the ability to deliver negative and positive output currents at a high
current efficiency, an output voltage range that efficiently utilizes the
range between the negative supply rail voltage and the positive one, a
high power efficiency, a low distortion, and good high-frequency (HF)
performance.

Chapter 5.1 explains some issues of power efficiency. Chapter 5.2 pres-
ents a systematic classification of potential class-AB biased output circuits
with a good compromise of power efficiency and distortion. Such a
classification enables us to choose one which best matches the require-
ments of the output stage in combination with the restrictions of a given
integration process. The design of output stages is divided into Chapter
5.3 for feedforward-biased class-AB output stages, and Chapter 5.4 for
feedback-biased class-AB output stages. Finally, Chapter 5.5 evaluates
several current and saturation limiters for bipolar output stages.

5.1 Power Efficiency of Output Stages

Obtaining a high power efficiency is one of the main objects of designing
a general-purpose output stage. Power efficiency can be defined as the
ratio of output power P, delivered to the load and the supply power P;
taken from the supply rails. The difference between P, and P, is
dissipated by the output stage. Power dissipation in the output transistors
causes the chip’s temperature to rise, while the heat that flows from the
dissipating sources towards the cooling surface brings about temperature
differences on the chip. Both the temperature rise and differences may
deteriorate the amplifier characteristics, as will be discussed shortly.

Above a temperature of 450K, too many thermally generated electrons
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appear in the conducting band of extrinsic silicon. This causes excessive
diode leakage currents, which double at each 6K temperature increase.

In order to keep the temperature of the chip 7, below the maximum value
T,... of about 150 degrees centigrade, the product of the dissipated heat
on the chip P, and the thermal resistance R, between the chip and the
ambience must be lower than the temperature difference AT between T,
and the ambient temperature 7,. So,

PRy< (T T, (5.1.1)

This cooling problem is present not only in large-power amplifiers but
also in micro-power amplifiers. In the latter case, the dissipated heat per
amplifier determines how many OpAmps can be placed on a single VLSI
chip and which measures must be taken to avoid thermal crosstalk to
sensitive points on the chip.

The thermal coupling on the chip between the output and input stages
causes internal feedback which limits the useful low-frequency gain of the
OpAmp [5.1]. This effect can be divided into two parts. Firstly, there are
changes in the temperature of the input transistors which modulate the
offset quantities of the amplifier via the temperature drift of these
quantities (Chap. 4.1). Secondly, there are temperature gradients which
can introduce additional variations in the offset quantities. The first effect
can be minimized by placing the output transistors as far away from the
critical input transistors as possible. The second effect can be reduced by
placing the output transistors on the line of symmetry of the critical
transistors, and by precisely balancing or crosscoupling the critical
transistors of the input stage as shown in Fig. 5.1.1.

An output stage for a universal operational amplifier should be able to
provide an output voltage and current of both polarities. This leads to the
general supply configuration of Fig. 5.1.2 for an operational amplifier.
The ground connection has been shown between two external supply
voltages V,, and V,, of opposite polarity. This is according to the general
description in Chapters 1, 2, and 3. However, with a single supply
source, the ground connection is mostly placed at the negative supply rail.
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In that case, the right-hand side of the load impedance Z; needs an
artificial supply connection in between the supply rails V,, and V,

e
Notherms

R
critical o line of
. . —_|. ___(,_ - - -
transistor palrs—<\D\D Vo I symmetry
\ \ N\

\L output transistors

Fig. 5.1.1: Layout which balances out thermal feedback

Vsn

Fig. 5.1.2: General supply configuration of an operational amplifier

We will now explore several types of possible output circuits with regard
to the power efficiency and handling of both output polarities at a low
distortion. The efficiency is strongly dependent on the biasing mechanism
of the output transistors. Several possibilities of biasing are exemplified
by five voltage-follower circuits of Fig. 5.1.3. These circuits are depicted
with CMOS transistors but may also be equipped with bipolar transistors.
For this reason we have named these transistors 7. The diodes are of the
same kind as the transistors.

The single-sided circuits of Fig. 5.1.3.a and Fig. 5.1.3.b handle their
power very uneconomically. The first circuit is not even capable of
driving the output down to the negative supply voltage. For a symmetrical
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block-wave output of maximally half the supply voltage, its power
efficiency is 29% with a resistor R,=R, .

This circuit is much more fit for asymmetrically driving a load resistor
connected to the negative supply rail. Like an open collector or drain
output, such an open emitter or source output then has a power efficiency
of nearly 100% for a rail-to-rail output block wave disregarding the
voltage loss of the base-emitter or gate-source diode.

The second circuit has a power efficiency of 47% for a rail-to-rail output
block wave driving a symmetrical load resistor using a current source
I,=% VR, connected to the negative rail.

The push-pull circuits of Fig. 5.1.3.c, Fig. 5.1.3.d, and Fig. 5.1.3.¢
handle their power much more economically. Neither of these circuits
dissipate power if the output is driven against the positive or negative
supply voltage, apart from power loss in the base-emitter or gate-source
diodes of the output transistors and the auxiliary components.

& Vgp Z Vgp
V, RL V, RL
2 Van B Vsn
Iy
‘? // IT s
/ Ve
Fa Iy il Iy
Vsn s Vsn 7
X g Ver TV Vgp —=V,
Ny N I
\\\_‘12 '12
Fig. 5.1.3.a: Single resistor- Fig. 5.1.3.b: Single current-
loaded voltage follower with: source-loaded voltage follower

R2:RL and VS: VSP-VSN Wlth Izz VZ VS/RL aIld VS: VSP—VSN
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Fig. 5.1.3.c: Push-pull class-A
voltage follower with:
11 +12: % VS/RL and VS: VSP_VSN

Fig. 5.1.3.d: Push-pull class-AB
voltage follower with:ly=1I;, =1,

The class-A circuit of Fig. 5.1.3.c has a constant sum of the push and

pull currents:

L, +L=%VyR,

(5.1.2)

with Vi=V,,-V,. It has a maximum power loss at zero output current. In
this respect the class-C circuit of Fig. 5.1.3.e is far more ideal with a
zero power loss at zero output current. This is because the product of the

push and pull currents is zero:

IxI,=0

(5.1.3)
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; T1 T 11//
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l: T2 // 2 1

B Van

Fig. 5.1.3.e: Push-pull class-C voltage follower with a dead current
zone around V,=0

The dead band in the transfer function of the class-C stage can theoreti-
cally be reduced to zero by overall feedback with a large loop gain. In
that case, the circuit would behave as an ideal class-B amplifier with zero
quiescent current in the output transistors. However, the limited slew rate
of the preceding driver stage causes the class-C output stage to have a
distorted dynamic cross-over response. Also, the limited value of the
overall gain causes a non-linear static transfer. For these reasons the
compromise of a class-AB output stage with a smooth cross-over response
is commonly required in analog systems. The class-AB circuit of Fig.
5.1.3d has push and pull currents whose product is not zero but who have
a relatively low value and a smooth cross-over behavior.

The maximum block-response efficiency of the three circuits of Fig.
5.1.3.c/d/e is nearly 100% except that the output voltage cannot com-
pletely reach the supply rail voltage, because of the diode-voltage loss of
the voltage-follower output circuits and the saturation voltage of the
driving current sources. If the output transistors could be connected in a
common-emitter or common-source configuration, only the saturation
voltage of the output transistors would be lost. This results in a much
lower loss than with a follower configuration. The maximum sine-wave
efficiency of a pure class-A circuit is 50% while that of a pure class-B
circuit is 78% [5.2]. The efficiency of a class-AB circuit lies between that
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of a class-A and a class-B circuit.

Fig. 5.1.4 gives an overview of the power dissipation as a function of the
output voltage of the three push-pull circuits.

-~ 100%
P}

area which is unreachable .
because of output-transistor ——
voltage drop L Vo

Vsn o\ / Vsp
- Pdi _ Class-B
class-AB

100% \—~—— class-A

Fig. 5.1.4: Power dissipation P, and output power P, as a function of the
output voltage V, at various biasing classes, disregarding bias
currents

A higher efficiency can principally be reached when the supply voltages
could be dynamically adapted to the output waveform, i.e. with
switchable taps on the supply sources. Another potential way of obtaining
a higher efficiency is a class-D amplifier in which the output is switched
between zero and both supply voltages and whose sampled output
waveform is smoothed by a low-loss filter. These possibilities are not
described in this book.

5.2 Classification of Output Stages
A systematic classification of potential output stages will be given in this
section. This provides the designer with the ability to choose that which

best suits the requirements and process parameters.

Output transistors can generally be connected in three different ways:
firstly, in an general-amplifier (GA) connection (common-emitter or
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common-source), secondly, in a voltage-follower (VF) connection
(common-collector or common-drain), and thirdly, in a current-follower
(CF) connection (common-base or common-gate).

A CF-connected transistor may be inserted as a cascode transistor in the
collector or drain lead of a GA-connected output transistor, for instance,
to increase the output impedance of the stage. This transistor combination
does not change the basic GA configuration of the output stage. A CF-
connected transistor may also be inserted in the emitter or source lead of
a VF-connected output transistor. This results in a transistor combination
which has properties similar to a normal GA-connected transistor. The
transistor combination will be classified as a GA-connected circuit. For
this reason we may leave the CF-connection out of the classification of
output stages, leaving two possible connections: the VF and the GA-
connection.

All possible combinations of VF and GA-connected output transistors
give rise to three main push-pull configurations: the VF/VF stage or fully
VF stage, the compound VF/GA stage or GA/VF stage, and the GA/GA
stage or fully GA stage. The VF/GA stage will not be distinguished from
an GA/VF stage.

The three main types are shown in Fig. 5.2.1.a, b, and c.

classification number

connection of upper
output transistor

connection of lower
output transistor

[y

VF
VF
GA

VF
GA
GA

Table 5.2.1: Classification of all possible push-pull output stages

Fig. 5.2.2 shows the desired class-AB output-current relations. For a
large efficiency, the positive and negative maximum output currents
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should be much larger than the quiescent currents I, ,,. While for a
good HF behavior, the minimum positive and negative currents should be
as large as possible, 7

max, min

~< I

quies*

Fig. 5.2.1.a: Fully voltage-fol- Fig. 5.2.1.b: Compound (VF/GA)
lower (VF) stage in bipolar and stage in bipolar and CMOS
CMOS

YIS - Imp
Ipull Tin Iquiescent Imin Ipush
Tout neg (I) Tout pos
Tout —=
Fig. 5.2.1.c: Fully general-ampli- Fig. 5.2.2: Desired class-AB out-
fier (GA) stage in bipolar and put-current relations

CMOS

Each basic circuit has a particular feature which makes it appealing. The
VF stage can be biased most easily in class-AB. The VF/GA stage can be
provided with the best type of transistor which can be made in a certain
fabrication process for both push and pull sides. This is important for
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high output currents or high-frequency capabilities. The GA stage has the
largest power gain.

Its output can almost reach both supply rails. This is very important for
low-voltage rail-to-rail applications.

In the next two Chapters, 5.3 and 5.4, we will see how these three basic
output stages can be efficiently biased in class-AB. This can be done by
feedforward techniques and feedback techniques.

5.3 Feedforward Class-AB Biasing (FFB)

The term "feedforward biasing" is used if the biasing is fixed by compo-
nents in series or in parallel with the signal path. This, in distinction to
feedback biasing. Here a feedback loop is used to fix the class-AB bias-
ing, which will be discussed in Chapter 5.4.

FFB Voltage Follower Output Stages

For a long time, the voltage follower (VF) configuration has been the
most popular feedforward class-AB biasing scheme for its simplicity and
robustness. The basic circuit is shown in Fig. 5.3.1.a with complementa-
ry bipolar transistors and in Fig. 5.3.2.a with CMOS transistors.

For the bipolar circuit of Fig. 5.3.1.a the product of the push and pull
currents 1,,, and I, is approximately constant. This is because of the
logarithmic relation between base-emitter voltage and collector current of
bipolar transistors, and the constant sum voltage across the base-emitter
voltages, which is set by the diode connected transistors Q; and Q, in a
translinear loop.

So we have:
VBE] + VBEZ — Y BE3 + VBE4
LyXL= =P

push

(5.3.1)

quies

with 1 ,,.=Iy=I,, and Vu=V; In (I/I,)+V,; in which V;=kT/q,

quies
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complementary bipolar transistors currents /,,., and 7, as a function
of the output current /

out

—2 Vsp
€£;¢181
! ‘Ipush
M3;1;|—'[:M1 INnM —Ipm

Vi EEEL Vo
e T T
in out
Lpull Ipush
Mo
ilpuﬂ
Ionm Iopm
——— Vg

Fig. 5.3.2.a: VF output stage with Fig. 5.3.2.b: Push and pull current

CMOS transistors L, and I, as a function of the

output current /,

out



142 OPERATIONAL AMPLIFIERS, THEORY AND DESIGN

I, is the saturation current, V; is the bandgap voltage of silicon, and

equal parameters for all transistors are supposed.

For the CMOS circuit of Fig. 5.3.2.a the constant voltage across the
diodes M, and M, and the square root characteristic between drain current
and gate-source voltage cause the sum of the square roots of the push and
pull currents ,,y, and 7,,, to be constant in a voltage translinear loop. So:

Visi™Ves2=Vass™Vass (5.3.2)
V Ipush +V Ipull =2 Iquies
with 7

ies =151 =Tz, and Vgg=Vry+v21,/K and equal parameters for all
transistors are supposed.

Both VF stages with bipolar or CMOS transistors show a smooth cross-
over behavior. In the bipolar circuit the maximum output current is Jop, =
B, and Iy,= By, No output transistor is ever cut off. In the CMOS
circuit the maximum output current is determined by the allowable input
voltage drive. The output transistor with the lowest current will be
smoothly cut off if the transistor with the highest current has a current
larger than I,=4p=4 1.
The low-impedance of the two-diode coupling between the input nodes of
the transistors in the VF stages makes the relation between the push and
pull currents strongly fixed in class-AB. This class-AB biasing is
insensitive to wide changes in supply voltages, temperatures and process
parameters. The bipolar VF stage has (using average transistor parame-
ters) a transimpedance

7,5(1/z+1/B2.,) (5.3.3)

and an output impedance
2,= 722,

with z,=V,/I,, V;=kT/q, and current gain A;~f. The CMOS VF stage has
an output impedance of:
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2,=%2/8,, (5.3.4)

with g,=K(V-Vy), and K=uC,, W/L

The successful way of biasing VF stages in class-AB is the basis of a
number of further developments, which will be discussed in the next part.

The coupling between the input nodes of the upper and lower output
transistors is so firm that the circuit can also be driven asymmetrically.
This has been practised in the bipolar circuits of Fig. 5.3.3 and Fig.

5.3.4.
——Z Vsp —Z Vsp
Imi é ‘”0—%03—
—KQ1

D; Dy
——f out

D2 i o D2 3

—f

in 03 s IBZ& eﬁ S
—¢VSN _“¢VSN

Fig. 5.3.3: VF complementary
FFB output stage with an
asymmetric GA-connected NPN
driver transistor, (uA741)

Fig. 5.3.4: VF complementary
FFB output stage with an
asymmetric VF-connected NPN
driver transistor

The circuit of Fig. 5.3.3 is the most popular circuit. It can be found in
the classic operational amplifier u4741 of Fairchild Semiconductor [5.3],
and in a number of other OpAmp realizations. In this circuit the VF
output stage is asymmetrically driven with an GA-connected NPN transis-
tor. The driver and upper-output transistor are of the NPN type. This
type of transistor has the best qualities in terms of current gain, HF-
response, and current capability. The lower-output transistor is a substrate
PNP, which is the next best transistor with regard to the qualities of an
NPN transistor. The maximum positive output current is I,p,=5,13;.
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The circuit of Fig. 5.3.4 has not often been implemented in the general
purpose OpAmp. In this case the output stage is asymmetrically driven by
a VF-connected NPN transistor. Its negative output current is limited to
Lone=Pl5,. This is lower than the maximum positive output current of
the preceding stage because £, <f,. The output voltage cannot reach the
positive rail voltage within two diode voltages and a saturation voltage.
The linearity of the current transfer of both previous configurations
suffers from the difference in current gains £, and S, of the two output
transistors.

Next, we will look at the group of "Darlington" bipolar variants of the
VF output stage in which an emitter follower is inserted in front of the
output transistor. The different ways in which a combination of two
transistors can be comnnected allows for more freedom in the circuit
configuration than the single VF output stage.

2 Vsp

& Vsp
IB1¢ é

— out in g— s ——& out

Q ko,
IBQl @ )
ZVsN

7!;
7 \
2

B Vsn

Fig. 5.3.5: VF conventional-Dar- Fig. 5.3.6: VF folded-Darlington

lington FFB output stage FFB output stage

The conventional-Darlington VF output stage of Fig. 5.3.5 applies a
Darlington NPN in the upper half and a Darlington substrate PNP in the
lower half. This has the disadvantage that the lower half has a signifi-
cantly lower current gain (order: 30x30=900) than the upper half (order

i
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100x100=10.000). Moreover, the output cannot reach the supply
voltages within two diode voltages and a saturation voltage of the bias
current sources. An advantage is the large ratio of maximum output
current and bias current. This stage has only sporadically been imple-
mented.

The folded-Darlington variant of Fig. 5.3.6 uses an NPN and a substrate
PNP in both halves, which results in nearly equal current gains for both
halves. This results in a more linear current gain than the preceding
circuit of Fig. 5.3.5. It is also simpler and it can reach the supply within
only one diode voltage. For these reasons the later stage has frequently
been used, for instance in the general-purpose wide-band OpAmp
described in [5.4]. A disadvantage is the larger bias current I, needed to
drive the lateral PNP Q, with a low £.

2 Vsp

out

BVsn

Fig. 5.3.7: GA boosted VF FFB output stage (LH0021)

Another way of increasing the current gain of a bipolar VF output stage,
is to add an GA output booster, as is shown in Fig. 5.3.7. This stage uses
lateral PNP transistors for Q, and Q, which have poorer qualities for
bandwidth and current gain than those of the substrate PNPs. Moreover,



146 OPERATIONAL AMPLIFIERS, THEORY AND DESIGN

their current gain g rapidly goes down at higher output currents.
Consequently, a practical implementation with discrete output transistors
can be considered, as in the hybrid GA power OpAmp LH0021 of Nati-
onal Semiconduct%r [5.5].

A disadvantage of! this stage, in comparison to the previous Darlington
stages, is that the GA output transistors Q, and Q, are driven by current
sources. This means that the biasing of the output transistors is dependent
on their current gain f. To reduce this disadvantage, additional paral-
lel-base diode chains D,, D, with resistors R; R, and series-emitter
resistors R;,, R, have to be inserted. Such resistors reduce the current
gain.

FFB Compound Output Stages

In particular, the combination of the GA boosted VF pair in the lower
half and the conventional or folded-Darlington pair in the upper half
brings about a group of successful compound (VF/GA) stages. This
success is due to the presence of an NPN output transistor in the upper
and lower halves. Members of this group will be discussed next.

A realization of this compound Darlington output stage is shown in Fig.
5.3.8 and has been described in [5.6] for application in a monolithic
power OpAmp which can deliver an output current of the order of 1A.
This is possible because the push and pull output transistors are both of
the NPN type. The use of a lateral PNP (Q,) limits the HF response to
some MHz. The biasing stability of this stage is much better than that of
the preceding stage in Fig. 5.3.7. The reason is that the upper half
controls its own current due to the inclusion of the Vj; of the output tran-
sistor Q, in its translinear bias loop. And, the overall feedback makes that
the upper half also controls the biasing of the lower output transistor Q,.
Hence, no low impedance emitter resistor and diode chain has to be
included in the lower half, as was the case in the preceding circuit, except
for a relatively large bias current-source resistor Ry,

Another realization of the compound Darlington output stage is shown in
Fig. 5.3.9 and has been described in [5.7] for application in the (S0MHz)
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OpAmp CA 3100 of RCA. The wideband application could be obtained
by replacing the lateral PNPs of the preceding circuit with P MOS FETs.
Again the biasing is controlled by the upper half.
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Fig. 5.3.8: VF/GA compound Fig. 5.3.9: VF/GA compound
Darlington FFB output stage with a Darlington  output stage with P
lateral PNP transistor MOS FETs (CA3100)

The GA boosted VF pair in the lower half combined with the folded
Darlington pair in the upper half results in the relatively simple com-
pound output stage of Fig. 5.3.10. It has been realized in the
general-purpose OpAmp LM101 of National Semiconductor and has been
described in [5.8]. This stage also has a good output-current capability,
although its frequency response is limited to some MHz by the lateral
PNP transistor Q,.

A resistor voltage-level shifter has been used in the lower half of Fig.
5.3.11.a to obtain the compound stage with two equal output N-MOS
FETs. The circuit is described in [5.9]. The VF-connected N-MOS FETs
M, and M; function as two equal and large source resistances 1/g, and
1/gs. These resistors, together with the current mirror MM, function as
a voltage-level shifter. Because the voltage transfer of the level shifter has
a negative polarity, the lower output functions as if it were its com-
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plementary counterpart. The equivalent VF circuit of the stage is shown
in Fig. 5.3.11.b.
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Fig. 5.3.10: VF/GA compound folded Darlington FFB output stage
(LM101)
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FFB Rail-to-Rail General-Amplifier Output Stages

After the VF and VF/GA feedforward biasing schemes, we now have to
examine the feedforward class-AB biasing of inverting amplifier (GA)
output stages. The GA configuration is particular important for low-volt-
age operation because the output voltage can utilize the full rail-to-rail
voltage range except for two small saturation voltage ranges near each
rail. This is in contrast with the VF configuration, where the output range
loses two diode voltages plus two saturation voltages. Even the compound
VF/GA stage loses at least one diode voltage and a saturation voltage at
the VF side.

The simplest configuration is the digital inverter circuit of Fig. 5.3.12.a.
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Fig. 5.3.12.a: GA FFB R-R class- Fig. 5.3.12b: Push and Pull cur-
AB CMOS output stage rents I,y and I, as a function of

the output current I,

The relation between the push and pull currents is shown in Fig.
5.3.12.b. The quiescent current [, is difficult to control, as it is
strongly dependent on variations of the supply voltage V,=V,,-V, and
the threshold voltages of the transistors V,, and Vi, according to:

Lyies = % (Ky” +Ky") B (Vs-Viup-Vi)? (5.3.5)
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To obtain a low sensitivity to supply-voltage variations and to process-
dependent variations of the transistor characteristics, these characteristics
must have a shallow curve. For this reason the biasing is chosen more A
than AB by choosing a low W/L ratio in this configuration. Bipolar
transistors have such steep characteristics that they can not generally be
used in this configuration, unless the supply voltage Vp-Vo=Vj is regu-
lated at two diode voltages. The main parameter of the CMOS GA stage
is the voltage gain A,~g,Z,, which is of the order of 100. The maximum
output current is restricted because of the required shallow driving char-
acteristic. So the digital inverter stage is a rather poor analog GA output
stage.

What we really would like to obtain is a behavior that is independent of
the supply-voltage and transistor-parameter variations, like the behavior
of the VF configuration. To develop this idea, we start with the con-
ventional VF circuit of Fig. 5.3.13.a. Next, we cut this circuit in an
upper and lower half, and place these halves reversely on each other in
Fig. 5.3.13.b. To this end we have to insert a floating supply voltage
source Vi, which is connected at its half to the input. This restores the
voltage translinear loop Vi, + Ve, = Vg + Vs
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Fig. 5.3.13.a: VF feedforward Fig. 5.3.13.b: GA feedforward
biased class-AB CMOS output biased class-AB CMOS output

stage stage
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A first implementation of the idea is shown in Fig. 5.3.14.a. The desired
voltage source between the gates of the output transistors must be of the
format Vy=V-V55-Vis, With Vi=V,-Vg,. Such a voltage is available in
the reference chain of Fig. 5.3.14.a as Vj,.

This chain M;, R, and M, between the supply rails generates a current

=V, /R,, with Vg, =V-V-Vies and V= Vgp-Vgy. This current is re-
produced by the current mirrors M;, M; and My, M,. The reproduced
current I, generates the desired floating voltage Vy,=I R, between the
gates of the output transistors [5.10]. The high-frequency behavior of the
output stage is excellent because the output transistors are directly
accessible at their gates. A capacitor across R, may improve the HF
coupling between the gates, particularly when the stage is driven from
one side of R, only. The push and pull currents behave similarly to those
of the VF feedforward biased CMOS circuit of Fig. 5.3.2.a and is
depicted again in Fig. 5.3.13.a. The equation for the quiescent current is
given.by (5.3.2). The circuit of Fig. 5.3.14.a is quite useful. The mini-
mum supply voltage equals that of two gate-source or base-emitter diode
voltages 2V,
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Fig. 5.3.14.a: GA FFB R-R class- Fig. 5.3.14.b: Push and pull
AB CMOS output stage with com- currents 7, and 1, as a function
push 1

mon resistive coupling of the output current /
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For a supply voltage lower than that of two diodes, the resistive level
shift voltage Vj,=I5R, can be prebiased with a negative voltage by
crosscoupled bias current sources I; through 1. This is shown in Fig.

5.3.15.
155¢é MSL:]P—’AEIMS éwBs sP
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Fig. 5.3.15: Low-Voltage version of the GA feedforward biased Rail-
to-Rail class-AB CMOS output stage with common resis-
tive coupling with a minimum supply voltage of
Vrtin. = Vost Veu

Vin1 &

When the bias currents I; through I, are equal to I, and R, and R, are
equal to R, the value of the bias current can be chosen equal to I, = (V-
V.)/R, to obtain a minimum supply voltage Vi, =V,-Vov equal to

Vauin=Vos-Vi» With Vg equal to the gate source voltage of the output
transistors, and V,, equal to the saturation voltage of the current-source
transistors.

A disadvantage of the two previous stages is that the quiescent current of
the output transistors /., is proportional to the supply voltages minus
two diode voltages according to: Vi, = V-V -V,

This can be overcome by decoupling the diode connection of the drain of
M; and driving a model output transistor M, like M,, by the drain of M;,
and comparing the drain current /s with a reference, current I, and
controling the common gate of M; and M; so that I,s=I,. Now the
quiescent current is fixed at 7, independent at the supply voltage.
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The same circuit can be implemented in bipolar technology. The circuit
for supply voltages of two diodes or higher is shown in Fig. 5.3.16.a.
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Fig. 5.3.16.a: GA FFB R-R class- Fig. 5.3.16.b: Push and pull cur-
AB bipolar output stage with CM rents 1, and [, as a function of
resistive coupling the output current /,,

The result is similar to that of the circuit of Fig. 5.3.1.a. The product of
the push and pull currents should be constant according to equation
(5.3.1), except for an asymmetric behavior of the currents below the qui-
escent value ,,,, and that one output transistor is cut off when the other is
driven. This is because the base currents of the output transistors with
different current gains S, and [, disturb the constant voltage V; across
R,. This results in a non-linear dynamic behavior. The resistive coupling
for bipolar transistors is not strong enough so that R; can be driven from
one side only. The minimum supply voltage is that of two diode voltages

2V =1.4V.

A different way to bias an GA output stage is to individually relate the
driving voltages to the rail voltages. This is shown in a very elementary
way with resistive coupling of bipolar transistors in Fig. 5.3.17 [5.15].
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Fig. 5.3.17: GA feedforward biased class-AB bipolar output stage with
separate resistor and diode biasing

The idea is that the sum of the base-emitter voltages V= Vi + Var,
remains constant and equal to the sum of the voltages across the diode-
connected transistors Q; and Q, V= Vpe;+ Vi, because the driving
currents [;,; and I,,, generate equal but opposite voltages across R, and R,.
The result is that the product of the push and pull currents remains con-
stant, as expressed with the bipolar VF circuit of Fig. 5.3.1.a and by
equation (5.3.1). However, the base currents in the output transistors
disturb this relation because they also generate currents in the biasing
resistors R, and R,. To reduce this disturbance the resistors must be
small. On the other hand, these resistors may not be taken too small or
their conductances would take away too much of the input currents, and
the current gain of the output stage becomes too small. An advantage of
the circuit of Fig. 5.3.17 is that the total supply voltage may be as low as
one diode plus one saturation voltage, or about 0.9 V.

We certainly would not try to use CMOS in this circuit. Their high input
impedance would be completely destroyed by the driving current of the
low conductance of the resistors. But, what we can do to prevent the loss
of driving current in the separate coupling elements R, and R,, is to
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collect the lost currents and add them again in a positive coupling loop.
This principle is shown in Fig. 5.3.18 [5.10].
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Fig. 5.3.18: GA feedforward biased class-AB bipolar output stage with
separate diode string biasing and positive loop gain coup-
ling

The transistor strings Q,, Q;, Qs Q, and Q,, O, Q, (s are separate
translinear loops that fix the bias current of the output transistors. To
allow for a 100 mV voltage drop across the bias current sources Ip; and
I,,, a similar voltage-level shift is created across R, and R,. To compen-
sate for this Ievel shift in the translinear loops, the output transistor Q,
and Q, should be small. The currents which are lost in the diode connec-
ted biasing transistors Q; and Q, are collected by the emitters of Qs and
Q, respectively, and are returned as a driving current to the com-
plementary side. The transistors Q;, Qs, Q,, Qs form a positive coupling
loop with a current gain of slightly lower than 1, which keeps this loop
stable. All input current which is not used to drive one output transistor is
used to drive the other. So, the gain decrease due to the class-AB biasing
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circuit is eliminated. In fact, the positive loop-gain coupling is a way to
implement a class-AB bias circuit with high input impedance. The circuit
needs a supply voltage of that of one diode and two saturation voltages,
which is about 1 V.

One way to eliminate the problem with the voltage drop needed for the
bias current sources is to use Darlington output transistors Q,, and Q,, in
combination with extra diodes in series with Q, and Q,. The result is
shown in Fig. 5.3.19 [5.10].
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Fig. 5.3.19: GA FFB R-R class-AB Darlington output stage with CM
transistor coupling

The result is an GA feedforward biased class-AB rail-to-rail Darlington
output stage. The stage may be driven by a single input terminal. The GA
Darlington output stage can be made very current efficient, because the
currents in the class AB loops may be chosen ﬂzp lower than the
maximum output currents; which may be a factor 1000. However, the
circuit needs a minimum supply voltage of that of three diodes and a
saturation voltage, which is about 2.4 V.
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A very robust feedforward biasing in class-AB arises if we simplify the
translinear loops such that the diode coupled transistors Q; and Q, and the
Darlington transistors Q,, and Q,, are taken away, as shown in Fig.
5.3.20.a [5.10].
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Fig. 5.3.20.a: GA FFB R-R class- Fig. 5.3.20.b: Push and Pull cur-
AB bipolar output stage with CM rents I, and L, as a function of
transistor coupling the output current I,

The translinear loops Q,, Q;, Qs, @, and Q,, Q, Q, QO strongly fix the
biasing in class-AB. The behavior of the push and pull currents /,,,, and

1., in relation to the output current /,,, is described as:

( push” /21 quzes) ( pull” 1/21 qmes) (1/2 qmes (5 . 3 . 6)
I out I push Ipm’l

Lyv="21 /2131—1/2132—1/2 b3 =21y,

quies

with equal emitter areas for Q,, Q;, Os, @O, and Q,, @, Qs Os.

In the quiescent state, half the current of the current sources I, and /p,
flow through transistor Q; and the other half through Q,. But when one of
the output transistors, say Q,, draws a large current, all of the current of
the current sources I, and I, flow through Q, This means that the
current through Q, is doubled. And, consequently, the current through
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the output transistor Q, is halved, and is not reduced further. This situ-
ation 1s in favour of the simpler VF circuit of Fig. 5.3.1, whose behavior
was described by equation (5.3.1).There the push or pull current did
approach zero at full output current.

Since the output transistors always stay into their normal working condi-
tions, a low distortion can be achieved by this circuit.

Another advantage of this circuit is the simplicity of the coupling circuit
between the upper and lower output transistors. The coupling circuit
consists of a mesh of two head-to-tail connected transistors Q; and Q,.
This mesh shapes a positive feedback loop with a gain just below 1.
Therefore, the mesh has a high input resistance for CM input currents.
Except for the base currents, no driving current is lost from this mash.
All input current, which is not used to drive one output transistor, is
automatically rerouted to the other output transistor. Firstly, this means
that the class-AB coupling is so strong that the output stage can easily be
driven from a single upper or lower input terminal, without losing control
of the biasing. Secondly, the straight coupling through Q; or Q, from one
side to the other means that the driving currents may far exceed the bias
currents I, and I, This implies a large ratio between the maximum
output currents and the bias currents of the circuit.

A final advantage is the good high-frequency behavior, firstly, because
the output transistors are directly accessible by their inputs, and secondly,
when the input current is rerouted to the complementary output transistor,
the signal has only to pass one transistor Q; or Q, in a common-base
connection.

The only disadvantage of this GA output stage is that it needs at least a
supply voltage of two diodes plus a saturation voltage, which amounts
together to about 1.6V.

The last described circuit also has excellent properties in CMOS technol-
ogy. The GA feedforward biased CMOS output circuit with a simple
common-mode transistor coupling is depicted in Fig. 5.3.21.a [5.11]
[5.12].
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Fig. 5.3.21.a: GA FFB R-R class- Fig. 5.3.21.b: Push and pull cur-
AB CMOS output stage with CM  rents I, and L, as a function of
transistor coupling the output current I,

We take all (W/L), of the P-channel transistors three times larger than the
(W/L), of the N-channel transistors to compensate for the 1/3 ratio of the
mobilities pup, and py in order to keep the transconductances of the N-
channel and P-channel transistors equal at equal currents. For simplicity,
we take all (W/L)y equal for the N-channel transistors and all (W/L)p
equal for the P-channel transistors, except for the output transistors which
are scaled a factor « larger. If we choose the quiescent currents through
the translinear loop transistors equal, we need the following relation
between the bias currents: %I, = %1Iy,=Iy;=I,,=I,. When we describe
the CMOS transistors with Vg=V,+v2[,/K, and p=pC,W/L, the
following relation between the push and pull currents results:

o 2 Wt 2T =2 e (5.3.7)

[ es=0g.and I, =2 ~/2)1 =0.341 ,at I,,,, =41

quies quies

When one of the push or pull currents becomes four times as large as the
quiescent current, the other one becomes (2- v2)?=0.34 times the quies-
cent current 7, At this value the full bias current of I =I5, flows

quies*
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through one of the transistors M; or M,, while the other is cut off.

The smallest one of the push or pull currents will not become any smaller
and stays at 0.34 I, while the largest one is allowed to increase far
above 41,,,.. Again, this class-AB regulation is very robust because none
of the output transistors is ever cut off, but stays largely within the nor-

mal bias conditions.

It is interesting to note that the mesh with M, and M, on one hand fixes
the differential-mode voltage movement at the gates of the output tran-
sistors in robust class-AB biasing conditions, but, on the other hand, does
not present any resistance to the common-mode voltage movement at the
gates. Though the source impedance of M; and M, present a normal
value, the head-to-tail connection of these transistors form a positive
feedback loop for currents with a gain of nearly perfect unity, which
cancels the influence of the source resistance on the common-mode
voltage movement. Or otherwise described, no common-mode driving
current can flow out of the mesh M;, M,. All input current is either used
to drive one or the other output transistor.

The same advantages of the bipolar stage are present with the CMOS GA
feedforward biased class-AB output stage. The circuit may easily be
driven from one input terminal. All current which is not needed to drive
one output transistor is automatically rerouted to drive the other output
transistor. The high-frequency behavior is excellent, because the output
transistors are directly accessible from their input, and, when one input
drives the other output transistor, only one transistor in a common-gate
connection is in series with the signal. The only disadvantage is that the
output stage needs two diode voltages and one saturation voltage as a
minimum supply voltage, which is about 1.8V,

Conclusion

We have discussed feedforward biased class-AB output stages. The
simplest ones were the voltage follower (VF) configurations. These are
the classic solution for class-AB biasing. Several circuits with Darlington
output transistors have been shown. The compound (VF/GA) derivations
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are of particular interest because of the use of solely NPN transistors as
output transistors. This makes these circuits suitable for large currents or
high frequency responses. The inverting-amplifier configurations (GA)
are of importance at low supply voltages, because the output can utilize
nearly the full supply voltage. Several robust bipolar and CMOS GA
circuits have been shown.

5.4 Feedback Class-AB Biasing (FBB)

In the preceding section, a systematic classification has been given of
output stages which are feedforward-biased. We have investigated volt-
age-follower (VF), compound voltage-follower/inverting amplifier
(VF/GA), and general-amplifier (GA) feedforward configurations. In all
these stages the biasing and driving functions are processed by the same
components. This often leads to compromises. In this section, output
stages are discussed in which the biasing function is separated from the
driving in what we will call feedback biasing (FBB). The push and pull
output currents are measured and compared with a bias reference. If the
biasing is not correct in a class-AB relation, the output transistors receive
a correction signal by a feedback signal. In this way, we obtain more
freedom to design the class-AB output stage in the GA, VF or VF/GA
mode according to the derived specifications in a certain IC process.

Basically, there are two possible places to measure the push and pull
currents. Firstly, a voltage measurement transistor can be connected with
its base-emitter or gate-source in parallel to the base-emitter or gate
source of the output transistor. Secondly, a current-measurement diode
may be inserted in the collector or drain of the output transistor with a
measurement transistor with its base-emitter or gate-source connected
across the diode.

In any case, the currents of the measurement transistors have to be
related to each other in a translinear loop which controls the class-AB
biasing of the output transistors.
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FBB Voltage-Follower Output Stages

The simplest feedback-biased VF circuits are drawn in Fig. 5.4.1.a and
b. The transistors Q; and Q, measure the sum of the base voltages of Q,
and @, and regulate this sum at a constant value so that the product of the
push and pull currents remains constant, according to Eq.5.3.1 with
bipolar transistors.
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Fig. 5.4.1.a: VF FBB class-AB Fig. 5.4.1.b: VF FBB class-AB
bipolar output stage with parallel CMOS output stage with parallel
transistor measuring transistor measuring

With CMOS the sum of the square roots of the push and pull drain
currents is controlled at a constant value according to Eq.5.3.2. In fact,
there is no difference between the feedback-biased circuits of Fig. 5.4.1.a
and Fig. 5.4.1.b and the feedforward-biased circuits of Fig. 5.3.1.a and
Fig. 5.3.2.a, except that the input connections are drawn immediately at
the bases or gates of the output transistors instead of in between the
diode-connected transistors Q; and Q, or M; and M,. Because of this
similarity we will not discuss VF feedback-biased stages further.
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FBB Compound Output Stages

A compound output stage with equal N-type push and pull output tran-
sistors is particularly important for bipolar output stages because of the
much better properties of NPN transistors than PNP ones. For that
reason, the examples of this paragraph are given with bipolar transistors,
but the ideas extend to other transistor types as well. A compound output
stage can be obtained by combining a feedforward-biased VF upper half
with a feedback-biased GA complementary lower half, as is shown in the
bipolar circuit of Fig. 5.4.2.a. The diode D, measures the collector
current of Q,.

The transistor Q; and series diode D, measure the sum of the voltages
across (; and D, and regulate the input signals directly on the base of Q,,
and indirectly through the mirror D;Q, on the base of Q,.

The class-AB biasing is so strong that the circuit can easily be
asymmetrically driven at the inverting input, as is shown in Fig. 5.4.2.b.
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Fig. 5.4.2.a: VF/GA compound Fig. 5.4.2.b: VF/GA compound

mixed FFB and FBB class-AB -  mixed FF and FB biased class-AB

output stage output stage with asymmetrical
driving at the inverting input

The VF/GA circuit may alternatively be driven as if it were a
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feedforward biased stage by connecting the input symmetrically between
the emitter of Q; and diode D,.

If the transistor Q; is replaced by a diode D; and the feedback is remo-
ved, a strongly simplified feedforward-biased compound output stage
arises, which no longer has a linear current transfer. This circuit and its
current transfer characteristic are shown in Fig. 5.4.3.a/b. A practical
realization of this circuit is found in the power OpAmp pA791 of
Fairchild [5.13] with a maximum output current of 1.2 A. The most
important properties of this compound stage are that it uses push and pull
output transistors of only one kind (NPN), and that it is simple. The
transimpedance of the circuit can be linearized by inserting a dominating
Miller feedback impedance Z, across the natural collector-base impedance

of Q,.
—2 Vsp
1811 IoT 6 arctan B By
Q
D1 10
3V, 1
D3 YDy !
Zy, 7 arctan
TI i 2 &
@ a

Fig. 5.4.3.a: VF/GA compound Fig. 5.4.3.b: Non-linear current
simplified mixed FFB and FBB amplification of the circuit of Fig.
class-AB output stage driven at the 5.4.3.a

inverting input (uA791)

More gain can be obtained by the application of Darlington transistor
combinations.

The mixed-biased combination of a feedforward-biased Darlington VF
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upper half with a feedback-biased GA-boosted VF lower half shown in
Fig. 5.4.4 1s of interest. The stage has a smoother cross-over behavior, a
better bias stability and a higher gain at low output currents than those of
the feedforward-biased equivalent of Fig. 5.3.8. This Darlington stage
has a high ratio between maximum output-current and input-bias currents
I, through I,. The output-voltage range is four diodes and two saturation
voltages lower than the supply voltage range.
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Fig. 5.4.4: VF/GA compound Fig. 5.4.5: VF/GA compound
mixed-biased Darlington class-AB  mixed-biased folded-Darlington
output stage class-AB output stage

Combining the feedforward-biased folded Darlington in the upper half
with the feedback-biased GA-boosted folded-VF lower half results in the
rather simple VF/GA mixed-biased stage of Fig. 5.4.5 with an output-
voltage range that loses only two diodes and two saturation voltages of
the supply voltages. The accurate feedback biasing gives the circuit a
smooth class-AB cross-over behavior.

Feedback biasing provides us with the freedom to use any output transis-
tor configuration because driving and biasing functions can be chosen
independently. For instance, for high current gain and high bandwidth we
can choose to use all NPN Darlington transistors in a compound VF/GA
output stage as shown in Fig. 5.4.6. The output transistors are
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feedforward-driven by the input signals without going through other
transistors.
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Fig. 5.4.6:  VF/GA compound FBB All-NPN class-AB Darlington
output stage
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Independently of this driving, the class-AB feedback biasing is settled by
the measurement transistors Q, and Q, with diodes D, and D;, respective-
ly, in series with the emitters. These transistor-diode combinations
measure the sum of the voltages across the base-emitter junction of Q,
carrying the push current, and the diode D, carrying the pull current. The
biasing current for the lower half is fed via a folded CF-connected PNP
transistor Qs. The all-pass network R, C; passes the low-frequency
currents through Q;, while frequencies above w;=1/R; C; are directly fed
to the lower half. The good HF properties of the feedback bias path is
essential for the HF stability of the feedback loop.
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The circuit may be driven asymmetrically at the upper input terminals as
a voltage follower, or at the lower input terminal as an invertor. In both
of these cases, the internal biasing circuitry provides a correct class-AB
behavior of the whole output stage.

The circuit may ideally be driven with two input currents having opposite
signs. These currents can be obtained at the two output terminals of a
longtailed transistor pair having a tail current source, or at the collector
and emitter terminals of a transistor connected as a voltage and current
follower (VCF).

The transimpedance of the upper output half is roughly equal to the
parasitic parallel impedance Z, between the upper input terminal and the
supply or substrate terminals, while that of the lower half is equal to the
Miller impedance Z,, between the collector and base nodes of the lower
Darlington transistor. The high-frequency behavior and slew rate of both
halves can be balanced by adding a Miller capacitor C,, to the lower half
which is as large as the natural parasitic capacitor C, in the upper half.
The circuit has been realized in a 30 MHz operational amplifier [5.14],
see Chapter 7.5.

A disadvantage of the series connection of a measuring diode and the
lower output transistor is the loss of one extra diode voltage in the output
voltage swing. In order to eliminate this loss, measurement transistors Q;
and Q, are placed with their base-emitter connections in parallel to those
of the output transistors Q, and Q, respectively, as in Fig. 5.4.7.

The currents of the measurement transistors are brought in a class-AB
relation by the translinear loop [5.15] with Q; through Q,, and controlled
by the output currents of Q,, Q, through the mirrors Q,,, Q,, and Q,;,
Q,s. Alternatively, the controlling could be done by the output currents of
Q, and Q,, through folded cascode with an all pass RC network as shown
in Fig. 5.4.6, if the HF stability of the feedback loop with the PNP
controlling transistors Q,, and Q,s appears to be insufficient. We suppose
that all emitter areas are equal for the NPN transistors and equal for the
PNP transistors, except that the output transistors are n times scaled up.
We also suppose that all transistors Qs-Q,, have an equal current in
quiescent state.
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Fig. 5.4.7: VF/GA compound FBB All-NPN output stage with mini-
mum selector
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The translinear loop Qs through Q,, has several segments. The diode
connected transistors Qs and Q, model the base emitter voltages of the
output transistors Q, and Q,, respectively. The transistors Q, and Qg
function like an and-gate, passing on the lowest of the two diode (Qs, Q)
voltages to their common emitter connection. Thus, the lowest of the two
output currents is regulated. If the lowest current is half the quiescent
current, O, or Q; already take over the full current of both transistors in
the quiescent-state. So the lowest of the push or pull currents never
comes below half the quiescent current according to:

es) = (B i)’ (5.4.1)

quies.

(Ipush_ %l quies) (I pull” %l q
This is equal to the expression (5.3.6) of the GA feedforward biased
output stage of Fig. 5.3.20.a. This robust biasing scheme is realized in a
100 MHz precision operational amplifier [7.16], a 1 GHz operational
amplifier, and in a 100 mA voltage and current efficient operational
amplifier [5.23].
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FBB Rail-to-Rail General Amplifier Output Stages

| Finally, we will see how the flexibility of the feedback class-AB biasing
will turn the push-pull inverting-amplifier output stage into a robust rail-
to-rail GA output stage which can function well at a low supply voltage.

Firstly, we will show how feedback biasing can mimic the classic class-

AB control of the VF output stage with two diodes. Fig. 5.4.8 shows
how this is done [5.16].
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class - AB control push and pull
Darlington output transistors

Fig. 5.4.8:  GA FBB R-R class-AB Darlington output stage with
control amplifier (NE5230)

The circuit has GA Darlington output transistors which are directly
accessible from the input. The upper folded Darlington structure has an
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extra current boost Q,, D;, O, to compensate the low current gain of the
lateral upper output transistor Q,. The base-emitter voltage Vpg, of the
upper output transistor Q, is converted into a current by the base-emitter
diode of Q, in series with R, and regenerated into a voltage across the
base-emitter diode of- Q,, in series with R,,. The base of Q,, is connected
to the base of the lower output transistor Q,. In this way the sum voltage
Vagam= Var: + Vg, Of the two output transistors is modeled. This sum is
compared to the sum of two diode voltages Vp,,,,=Vp,+ V), by a diffe-
rential amplifier Qg, Q,. When the sum of the base-emitter voltages Vg,
is lower than the sum of the diode voltages Vj,,,, the transistor Qg draws
more current and Q, less current than half the tail current Iy, This
differentially engages both output transistors, by which the sum of the
base-emitter voltages grows until Vge.,,= Vpu.. With equal quiescent
currents and emitter areas for all NPN transistors and diodes, as well as

for all PNPs, and R,,=R, the push and pull currents are controlled as to
obey:

72
Ipush'Ipull =1

quies = I 281 (5 : 4 2)

This behavior is equal to the VF circuit of Fig. 5.3.1.a, as described by
(5.3.1).

The minimum supply voltage is two diodes and a saturation voltage,
which is about 1.8V. The circuit is utilized in the Signetics NE5230 low-
voltage operational amplifier and described in [5.16].

A weak spot of this circuit is the high impedance at the emitter of Q,
when the upper output transistor is nearly cut off and the current through
Q, is low. This deteriorates the HF behavior of the feedback loop. To
prevent this, a shunt resistor R; has been placed across the bases of the
differential control amplifier to lower the impedance on the emitter of Q.

The class-AB control can be improved by using a minimum selector
[5.15] Q,y, Q,; as shown in Fig. 5.4.9. The minimum selector is placed
on top of the base-emitter voltages Vg, of Q; and Vg, of Q,. The last
voltage is modeled by the diode-connected Q,. With equal quiescent
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currents and emitter areas for the NPN and PNP transistors respectively,
the relation between the push and pull currents is:

(Ipush' I/ZIquies) (Ipuil' % Iquie: = (I/ZIquies)z = (%3131)2 (5 4. 3)

The low impedances anywhere at the emitters of the control circuit
ensure a good HF behavior of the class-AB loop. The differential ampli-
fier Qy, Q, controls the class-AB behavior in a robust way.
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Fig. 5.4.9: GA FBB R-R class-AB output stage with Darlington output
transistors and minimum selector (NE 5234)
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The push and pull output currents do not go below 21,,,,. The amplifier
has a similar relation between the push and pull currents as the circuit of
Fig. 5.3.20.a with equation (5.3.6). The circuit of 5.4.9 can be found in

the quad OpAmp NE5234 and is described in [5.17].

It is interesting to note that if, in these circuits, only one input terminal is
used to drive the circuit, the regulator amplifier automatically drives the
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other input terminal correctly. Half of the input current is used to drive
one output transistor. Whereas, through the collector-emitter loop of the
differential amplifier the other output transistor receives the other half of
the input current. Further, if one output transistor is regulated at a
constant value of Y2l the other output transistor gets all the input
driving current of both inputs. This guarantees a very linear signal
transfer.
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Fig. 5.4.10: GA FFB R-R class-AB bipolar output stage with minimum
selector for a 1 Volt supply voltage

A low voltage version of the previous circuit is shown in Fig. 5.4.10.
The base-emitter voltages of the output transistors are modeled in a
reduced form across R, and R;. The minimum selector Q,y, @, takes the
lowest of these voltages and the differential control amplifier Qs Qo
regulates this minimum equal to a reference voltage across a reference
network. The circuit has the capability to work down to one diode voltage
and two saturation voltages, which amounts to about 1.0 V. The circuit is
described in [5.17].

A similar circuit can be obtained in CMOS. A CMOS GA feedback-
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biased class-AB output stage is shown in Fig. 5.4.11.

The measuring of the lower output transistor M, cannot be done in the
same way as in Fig. 5.4.10, because the threshold voltage of CMOS
transistors cannot be scaled by the W/L ratio's. Only the current can be
scaled down. This is done with the aid of two current mirrors M,, M, and
M, M;.
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Fig. 5.4.11: GA FBB R-R class-AB CMOS output stage with minimum
selector for 1.2V supply voltage

The voltage across R carries a model of the current in the lower output
transistor M,, while the voltage across R, carries a model of the current
of the upper output transistor M,. The minimum selector M,,, M,, takes
the lowest of these voltages. The differential amplifier M, M, compares
the lowest voltage with the voltage across a reference circuit M,, R,,
which is biased by I,;. For equal transconductance of the P-channel and
N-channel output transistors, the W/L ratio of all P-channel transistors is
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taken three times that of the N-channel ones, to compensate for a lower
charge mobility p,. The resulting behavior is roughly similar to that of
the circuit of Fig. 5.3.21.a and equation (5.3.7).

The circuit is described in [5.18]. It works down to a supply voltage of
one diode and two saturation voltages, which amounts to about 1.2V.

A GA feedback-biased class-AB output stage which avoids resistors in a
CMOS process is shown in Fig. 5.4.12 [5.19]. It can easily be scaled
with the W/L ratios of the CMOS transistors. The minimum selector is
composed of two inverters M,;, My, My;, M;s and M;,, M,,, followed by
a maximum selector M,; and M,, M,; which functions as a differential
control amplifier as well. The reference is set by M,,. The inverters
invert the minimum output currents of the output transistors to a maxi-
mum. The differential amplifier is controlled at the right-hand side by the
highest of the two voltages at the gates of M, or M, respectively.
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Fig. 5.4.12: GA FBB R-R class-AB CMOS output stage with inverters
and a maximum selector without resistors
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The quiescent current is:

I =2 WIWZ Ll 1L12 (21 -1 )
= ref2 "refl
f L1L2 W11W12 ‘ ‘

(5.4.4)

The minimum current stays at about 2/3 of the quiescent current. The
application of feedback-biasing allows a minimum supply voltage of that
of one diode and two saturation voltages, which amounts to about 1.2V.

A very simple minimum selector without resistors in CMOS technology
is shown in Fig. 5.4.13 [5.20].
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Fig. 5.4.13: GA FBB R-R class-AB CMOS output stage with simple
minimum selector for 1.2V supply voltage

The minimum selector is composed of two measuring transistors M,; and
M,,, and a mirror M,,, M,,. If M, carries the lowest output current, M,, is
saturated and M,;, roughly measures the minimum current of M,. If M,
carries the lowest current, M,, acts as a cascode which passes on the
current of the measuring transistor M;, which is fed through the mirror
M,,, M,,. The quiescent current and minimum currents are:
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] =2 W1W2 Lule i

- s s ref

! LlLZ WHWLZ (5.4'5)
1
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The circuit excels by its simplicity. The minimum voltage is equal to that
of one diode and two saturation voltages, which amounts to about 1.2V.

Conclusion

We have discussed feedback-biased class-AB output stages in a voltage
follower (VF), compound (VF/GA), and inverting amplifier (GA) con-
figurations. The VF circuits are similar to those with feedforward-bias-
ing. Though they are the simplest, their output voltage range loses at least
two diode voltages and two saturation voltages in regard to the supply
voltage range.

The VF/GA stages are of particular interest in "all-NPN" output stages,
where large output currents must be drawn, or where the highest
frequency response of the NPN transistors must be utilized. These
circuits lose minimally one diode voltage and two saturation voltages in
their output swing. The GA output stages are of particular importance at
low supply voltages, as their output voltage can swing nearly from rail-
to-rail, except for a saturation voltage at each rail. The feedback-biasing
robustly controls these stages in class-AB and leaves much flexibility to
the designer. The minimum supply voltage may be of the order of one
diode voltage and two saturation voltages.

5.5 Saturation Protection and Current Limitation

Output stages that have to deliver large output currents and high
bandwidth may advantageously be equipped with bipolar transistors. This
is possible in bipolar and BiICMOS processes. However, if the output
voltage becomes so low or high that respectively the NPN or PNP output
transistor saturates, the bandwidth of these transistors may easily become
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so low that the amplifier starts to oscillate. Moreover, the substrate
parasitic transistors become activated so that a large substrate current
may cause unexpected latch-up problems. For this reason we need a
saturation-protection circuit. This is presented in Chapter 5.5.1. Bipolar
output transistors can also be easily overloaded when the output has to
supply heavy loads or is being short circuited. For that reason a current
limitation circuit is needed. Several limiters are presented in Chapter
5.5.2.

Output Saturation Protection Circuits

When the collector-emitter voltage of an GA-connected bipolar output
transistor becomes lower than about 200 mV, the collector-base junction
becomes forward biased. This causes several undesired effects. The
situation is depicted in Fig. 5.5.1 for a push-pull GA/GA configuration.
But the effect is also present in the lower side of a VF/GA connected all-
NPN output stage.
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Fig. 5.5.1: A push-pull GA/GA output stage with a PNP, and NPN,
transistor and their PNP',, and PNP', parasitic transistors

Firstly, if one of the transistors Q,; or Q, becomes saturated, the collec-
tor-base junction is activated and a large reverse current may flow back
from the collector into the emitter. This must be compensated by a



178 OPERATIONAL AMPLIFIERS, THEORY AND DESIGN

further increase of the forward current. The result is a decrease of £ and
an increase of the diffusion capacitors. The bandwidth of the output stage
may decrease so much that the frequency compensation may easily
become unstable. Ringing is the result.

Secondly, the parasitic substrate PNP transistor Q';, or Q', of the
concerned PNP transistor Q, or NPN transistor Q, becomes active. This
may cause a large current to flow into the substrate. Particularly, in
BiCMOS processes with a lightly doped substrate, a large voltage drop in
the substrate may be the result so that even reverse biased diodes may
turn on. This may cause unexpected latch-up problems in the circuit.

The saturation voltage may be modeled by using the Ebers-Moll model
[5.21]. When we suppose that while saturated the ratio between the
collector and base currents is in the order of the square root of the
forward current gain [, the saturation voltage can be simply expressed
as:

I
V. ~Lr+Kypl L e (5.5.1)
q Brlp
The first term is caused by the internal resistive collector resistance r..
This term can be of the order of several 100 mV. The second term
maybe of the order of 20 to 50mV.

For detection of saturation, we could use the actual collector voltage if
we are sure that the resistive collector voltage drop is sufficiently under
control. This gives rise to the saturation protection circuit of the
Darlington output transistor of Fig. 5.5.2 for example.

A disadvantage of the clamp transistor Q; is that the emitter can easily get
too high a reverse voltage, so that it could become zenering and be
destroyed. Therefore, it is better to interchange its emitter and collector
connections and use it reversed. If we further connect the base of Q; to
the base of Q,, the collector-base junction of Q; perfectly matches the
collector-base junction of Q, in voltage, dopingprofile, and process
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variations. The only detection error that remains is the resistive collector
voltage drop. To largely avoid this, we may use an output transistor with
a second emitter. So, we obtain the robust saturation protection circuit of
Fig. 5.5.3 [5.22].

Another important feature of the protection circuit of Fig. 5.5.2 is that
the control loop through Q, and Q, is very short and naturally HF stable.
A complementary circuit can be used with the complementary PNP
output transistor if applicable.
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Fig. 5.5.2: Saturation protection Fig. 5.5.3: Robust  saturation
with clamp transistor Q; protection with a second emitter

Q; of the output transistor Q,
Output Current Limitation Circuits

The high bandwidth f; and current gain f; of the NPN transistor makes it
perfectly suitable for a high quality output stage in a bipolar or BiICMOS
process. But these very attributes also make the NPN output transistor
vulnerable for overloading at heavy load currents or at short circuit
conditions. Therefore, a current limitation circuit has to be applied. Many
existing limiter circuits have control paths that are too long, so that these
circuits tend to oscillate when they have to limit the output current. In the
next three circuits, this has been avoided. There are two ways to detect
over-currents in output transistors that do not make the circuit too
complicated or do not cost too much voltage loss in the output range. The
first detection method is to measure the collector current of a transistor
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connected with its base-emitter contacts in parallel with those of the
output transistor. The second detection method is to insert a small resistor
into the emitter lead of the output transistor and to measure the voltage
drop over that resistor. The latter is more accurate of course, as we
measure the real current through the output transistor.

The first limiter circuit is divided from the successful saturation limiter
circuit with a reversed connected detection transistor Q, in combination
with a model transistor Q; in parallel with the output transistor Q,. The
circuit is given by Fig. 5.5.4 [5.22].
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Fig. 5.5.4:  Output current limitation circuit with a model transistor Q;
in parallel with the output transistor Q, and with its
collector current through a reversed connected detection
transistor Q, and a threshold current provided by R;
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The resistor R, together with the base-emitter voltage of Q; set the
threshold current. A disadvantage of the resistor connection to the base of
Q, is its damping action on the current gain of Q.

But this can be overcome by some extra elements. Another drawback of
the circuit is that the reverse connected transistor O, has a low reverse
current gain in modern processes. This slightly weakens the limitation
action.

A limiter circuit that alleviates the above mentioned disadvantages is
shown in Fig. 5.5.5. It uses a model transistor Q; in parallel with the
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output transistor and a separate threshold bias current Iy, in its collector
circuit. The circuit further incorporates diodes for clamping purposes.
The limiting action is strong enough so that a current limitation series
resistor R; may be used in series with the emitter of Q;. The limitation
function may be sharpened by using a fixed voltage instead of R;.

One disadvantage still remains: if the output transistor tends to go into
avallange breakdown at high output voltages, the model Q; does not
detect this. Only the current source [y, can absorb some the avallange
current.

If we really want to measure the output current through Q,, an emitter
resistor R, can be connected in series with the emitter of Q,.
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Fig. 5.5.5:  Output current limitation circuit with a model transistor Q,
in parallel with the output transistor Q, and with its
collector connected through a diode D; to the input and a
threshold bias current source I;

The current can be measured by Q; through a voltage level shifter Q, and
biased by a threshold current source /,;, as shown in Fig. 5.5.6 [5.22].

The diodes D, through D; perform clamping functions. The maximum
voltage across the measuring resistor R, need only to be of the order of
50 mV, so that not much of the output current range is being sacrificed.
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Spw Sy

K o %Z —3 Vout
D,

<

Q*”}' Qs Qs
Iszi ﬁ} [’] Ry
B Vsn

Fig. 5.5.6:  Output current limitation circuit with an emitter-current
measuring resistor R;, a level-shift transistor Q,, and a
regulator transistor Q; biased with a threshold current I

The limitation functions starts at a value of:

I, A

i Lp| 22 2 (5.5.2)
Rig \ Ip A;

where A,/A; is the ratio of the emitter areas of Q, and Q;. Qs has further

been added to increase the current by which the output transistor is being

cut off. This may be needed in case of avallange breakdown of Q,.

T 60 _, without limitation
s
s - )
Tout 40 4 7 I!m!ter of F!g. 55.4
, limiter of Fig. 5.5.5
(MA) 55 4 Z limiter of Fig. 5.5.6
0 T T I 1 j T
0 2 4 6 8 10 12
Lin (WA) —=

Fig. 5.5.7:  Output current versus input current of the limiter circuits
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As a conclusion the operation characteristics of the three limiter circuits
as discussed are shown in Fig. 5.5.7.

Further information can be found in [5.23].

5.6 Problems and Simulation Exercises
Problem 5.1

The voltage-follower output stage shown in Figure 5.3.2.a is biased with
I, =I5,=20pA, with transistors sized W/L,=175, W/L,=50, W/L;=35,
W/L,=10. The MOS devices are modeled by Vpy=0.5, Vip=-0.6,
K,=56uA/V?, K,=16uA/V* and the current sources are saturating at
Vp=0.2V. Calculate the maximum output current SO no transistor
operates at zero drain current and the output voltage range which does
not introduce distortion in the signal. The supply voltages are Vjp,=-
V=1.5V.

Solution
The quiescent current of the output stage is given by the all-Vg, loop

formed by the four MOS devices. Noting that the size of these devices
obey

w W
L, L,
—_—_—VK—‘IV__ (5.6.1)
L, L,
the solution is
ID1:1D2=SID3:100;LA (5.6.2)

According to Equation (5.3.2), the maximum output current which still
allows the both transistors to operate is
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41

I quiesl,2 :4OOH'A (563)

OmaX:
The limits for output voltage can be calculated considering the fact that
both pairs of NMOS and PMOS transistors operate at the same saturation
voltages, but the diode connected transistors are drastically limiting the
input voltage range. When approaching one voltage limit, the current
through the limiting transistor is also decreasing, a convenient limit being
I,=0 which corresponds to a V=V,

VOmax = Vimax = VSP - VDsat - V653 =
=Vep Vs Viun=0-8V (5.64)
Vomin=VYimin=VswtVosu=Vesa™ o
Vv * Vs Viup=-0.7V
Problem 5.2

Figure 5.3.7 shows the schematic of a bipolar IA/VF output stage. The
diodes D, through D, have an area 4,,; and a saturation current Iy=10"°A.
The other transistors are upsized: Q, and Q, ten times, Q; and Q, two
times. The resistor R; and R, are 100Q while R;=R,=1K{2. The biasing
sources Iy, =I,=10pA and the transistors have large current gain and a
saturation voltage V,,=0.2V. Calculate the minimum supply voltage

which allows the output to reach 2V,, without distorting the signal.
Consider kT/g=25mV.

Solution

In order to calculate the limits of the output voltage, the biasing currents
must be known for all transistors and diodes. The biasing of Q, and Q,
can be easily calculated based on the translinear loop Q;-Q,-D,-D,

I A
Ioy=1,=21, =—2Z[, =20pA (5.6.5)

Cc4~ Bl
SD3 D3

The biasing of Q, and Q, can be calculated by observing that in the Q,-
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R,-R;-D, loop, the ratio of sizes for both resistors and transistors is 10, so

I1.,=101,,=200pA (5.6.6)

This value satisfies the equation

kT, Lcidsp,
—lnI 7 =Ryl ~RyI (5.6.7)
q Ipisor

Alternatively a numerical solver can be used to find the solution of this
equation. The maximum output signal which is not saturating any
transistor is

1%

Omax

Vv

satlBI®

Vv

=Vsp ”maX(VB w03t V1 "Rsl3 Vi +R111) (5.6.8)

£3"

Obviously, the second term in the list above has the largest value, as it
adds a Vj; to a saturation voltage and the voltage on a resistor. This
makes the value of the maximum output voltage to be

kT, 1
Vsp‘szQf—“l“LI -R,1,=V,~650.8mV (5.6.9)

q lgpy

V

Omax "~

As the requested range of the output signal is 2V peak-to-peak, the supply
voltage should be

Vep—Vey=2V+2%650.8mV=3.3V (5.6.10)

Problem 5.3

The class-AB output stage depicted in Figure 5.3.14.a operates at V=
Voy=1.5V and the MOS devices are sized W/L;=W/L,;=35,
W/L,=W/L;=10W/L,=100 and W/L,=350. Resistor values are
R,=R,=50KQ. Considering the MOS parameters Vpy=0.5V, Vpyp=-
0.6V, K,=16pA/V?, and K,=56uA/V* calculate the maximum push and
pull currents of the output such that no transistor operates at zero drain
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current.

Solution

The biasing of the output stage is set by the current leg M-R,-M,
Ver=Von=Vess *Rol gy *Viss (5.6.11)

Replacing the V, expression as functions of drain currents, the following

second order equation results

Vep Vo0 (5.6.12)

which has the only positive solution

\/E: —b+,/b2_4R2(—V;2P+VTHN-VS P+VSN> 561

2

with
po L1
_Ifﬂ_"Y_ _I.<.£’_,.W_ (5.6.14)
2L, N\ 2L

Numerically, these equations produce
1,,=264A (5.6.15)
The quiescent current for output transistors M,, M, is given by the equal

voltage on R, and R, and the W/L ratios of M, and M; and for M, and M,,
respectively.
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I, =1 ,=I ——W—&=26OMA 56.16

o1~ o205 (5.0.16)
As explained with Figure 5.3.2, the maximum push and pull output
current at which the transistor driving the lower current is still on is

Al,,=1.04mA (5.6.17)

pushmax - _Ipullmax -

Problem 5.4

Figure 5.3.21.a shows a class-AB output stage with common-mode
transistor coupling which allows operation at lower supply voltages
compared to the common-mode resistor coupling version. Such an output
stage operates at V,p=-Vo=1.0V, the NMOS devices are sized
W/L;=2.5, W/Ls=5, W/L;=20, and W/L,=100 and all the PMOS
counterparts are sized K,/K, larger. Considering the MOS parameters
Ve =0.5V, Vpp=-0.6V, K,=16pA/V?, and Ky=56pA/V*, calculate the
output transistors quiescent current, the maximum push and pull currents
and the minimum currents which are kept flowing through output
devices. The biasing currents are Iy, =Ip,=Ip;=1,,=10uA.

Solution

The quiescent current of transistors M, and M, results from the
translinear loop

VisatVass=V

stV

GS6 (5.6.18)

All the threshold voltages being equal for all PMOS devices, the equation
above can be translated to a drain current and sizes equation

IDZ + ID3 - ID5 N ID6 (5 6.19 )
W/L, \ WIL, \ WIL, \ WIL,

Solution of the equation becomes
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I I I

T = WiL D5 D6 D3

Io: ? J WIL, J WIL, \ WIL, (5.6.20)
1,,=50pA

The maximum push and pull currents are equal because of the complete
symmetry of the circuit related to NMOS and PMOS devices. The pull
current reaches its largest value when all of the I, current is flowing
through M,, thus operating M, at V=V, Starting again from the
translinear loop Equation 5.6.18, the drain currents equation can be re-
written for the maximum pull current

D6
I 450;LA

pullmax

The minimum current, which is kept flowing through one of the output
devices while the other is driving the maximum push/pull current, will
also be identical for both PMOS and NMOS output transistors. For M,,
this current is reached when all of the I, current flows through M;,
reducing the available Vi, to a minimum. The value of this current is

\/— + Ipg B Ly,
pami W/L W/L WIL, (3.6.22)

D2mm =1 3”’ A

Problem 5.5

For the class-AB output stage in Figure 5.4.13, calculate the quiescent
and the minimum current through the output transistors M, and M,, if the
sizes of active devices are W/L,,=W/L,;,=10, W/L,;=W/L,;=20,
W/L,;=0.2W/L,=70, W/L,,=0.1W/L,=10, and W/L,,=W/L,,=70. The
biasing currents are I, ,=Ip,s=15,,=20 pA, I5,s=40uA.
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Solution

Because of the comparator built with devices M;s; and M, the feedback
loop makes the devices M,;; and M,, work at the same gate-source
voltage, which in turn makes the current through M,; to be

WEhi  oua
Ips L, W 15,4=20p (5.6.23)
This current is also the drain current for M,,, as well as the drain current
for M,, because the current mirror M,,: M,, has a current gain equal to
unity. The quiescent current through the output transistor is then given by

w L,
Ipzzfz W D12_200V‘A (5.6.24) .
Identical drain current can be obtained for M; knowing the current
through M,;, M,, and the fact that at quiescent biasing the two transistors
M,;;, M,, act like one transistor with double channel length compared to
MII-
w 2L, /

Dlzfl' Wl (5.6.25)

1

The minimum current in the output devices is limited to

1
Ioain™p,~10084 (5.6.26)

Simulation Exercise 5.1

The feedforward-biased class-AB output stage shown in Figure 5.6.1 uses
Vs voltage loops for AB-biasing of output transistors M, and M,. A
circuit shown in Figure 5.6.2 can be used to put the signal currents at the
input of such a stage while keeping the output at a constant voltage.
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2 Vsp
5u @ 13 Mg — | MS
‘ L=2u :ll '[: L=2u
W=60u W=30u
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W;SOOU
Mg Ms Mz | Ms
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2 Vsn
Fig. 5.6.1:  Class-AB output stage with feedforward biasing
Vsp
Outputstage
$Iout
. . +
Im6l@ Im?l@ OVCD Vs
Vsn i
Fig. 5.6.2:  Output stage simulation circuit for transient analysis
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Simulate this circuit and plot the drain currents of M, and M; as a
function of the input current. I; and [, in the simulation circuit must
supply equal current at all times. Note how the results are affected by a
change in the W/L ratios of M;, M, and M,, M, respectively, by doubling
the widths of M, and M.

Simulation Exercise 5.2

For the class-AB feedback-biased output stage shown in Figure 5.6.3 plot
the drain currents for the output transistors M, and M, as a function of the
input currents. Note the point where transistor M,, enters linear region by
monitoring its source-drain voltage.

2 Vsp
M
Maz 1:‘ E}ll IJMZG ZSH M l] [I M
5u 14 24 22
Woioo - L~2|u L= I
W=30u| W=30u = W=30u
M M
Vim & " _’f% ”: 1
=2y L=2u
W=30u W=300u
s Vout
M M
Ving & 12 4, 'I: >
" M L T L o2u
Mig 15 W=10u W=100u
I L=2u L=2u I
W=10u W=10u
Mg | Miq | Ma3 Mig 5
L=2u j —l[:L=2u L=2u L=2u
W=10u W=10u W=20u W=10u

2 VsN

Fig. 5.6.3:  Class-AB output stage with feedback biasing
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6. OVERALL DESIGN

The previous chapters dealt with important parts of OpAmps. With the
design of the input stage the aspects of bias, offset, drift, noise, common-
mode rejection, and rail-to-rail input range were covered; with the design
of the output stage power efficiency, classification of the fully VF,
compound VF/GA, and rail-to-rail fully GA output stages with
feedforward and feedback class-AB biasing were presented. The remain-
ing attributes of gain, high-frequency response, slew rate, and linearity
have to be performed by the whole of the input, intermediate, and output
stages. That is the subject of this chapter.

This chapter discusses the overall design of Operational Amplifiers.
Firstly, we will investigate how a large gain can be achieved. Therefore,
an inventory will be made of nine main overall configurations in Chapter
6.1. Secondly, a systematic overview of HF compensation techniques will
be presented in Chapter 6.2. Finally, aspects of slew rate and linear
distortion are surveyed in Chapters 6.3 and 6.4 respectively.

6.1 Classification of Overall Topologies

One of the most important requirements of an Operational Amplifier is a
large voltage gain A, and current gain A; (defined as A,=-Y/Y, and
A4;=Y/Y; in Chap. 2). The larger the voltage and current gain, the lower
the errors which are made in OpAmp applications by a non-zero input
voltage and current, as calculated in Chap. 3. For obtaining a large
amount of voltage and current gain, several amplifier stages can be
connected in cascade. The choices of these stages and the ways they are
connected determines the main topology of the Operational Amplifier.
Therefore, we will first make an inventory of possible configurations.
After that some gain-boosting and compensation techniques will be
reviewed.
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Nine overall Topologies

A general purpose OpAmp must have a common-mode (CM) input and
output voltage range which extends from nearly the negative supply-rail
voltage Vi to nearly the positive supply-rail voltage Vip.

We have seen that good input stages must be connected in the GA mode,
and push-pull output stages can be chosen from the fully VF, compound
VE/GA or fully GA modes. These basic connections for input and output
stages are shown in Fig. 6.1.1 and Fig. 6.1.2.

Vsp Vsp
1
Roa ¢ ss
S &
Qo M, M,
in L -
g  ——
iIEE Rp1 Rpg
Vsn Vsn

Fig. 6.1.1:  Basic GA connections of input stages in (a) bipolar and (b)
CMOS technology

In the input stage the NPN bipolar and P-channel CMOS versions are
shown, because these ones are generally the best of their kind. The NPN
transistor has the highest bandwidth and current gain. The P-channel
transistor has a floating back-gate, which can be bootstrapped by the
source, so that the CMRR is high.

Moreover, the P-channel transistor generally has a lower 1/f noise than
the N-channel one. But, of course, complementary versions in both
technologies are also possible.

In the output stage the full VF and GA versions are already complemen-
tary in nature.
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Vsp Vsp Vsp Vsp Vsp Vsp
— — — — —
-»—l Q4 ->—|KM1 R t Q4 HKNH KQ1 _’_{ENH
out out out out out out
— — — —] — —
T T A
Vsn Vs VsN Vsn Vsn Vsn
—] ] ] — —
(@) (b) (©

Fig. 6.1.2:  Basic connections of the push-pull output stages in bipolar
and CMOS technology: (a) fully VF, (b) VF/GA and (c¢)
GA connections

The output voltage range of the full VF stage cannot reach the rail within
one diode voltage and one saturation voltage of the driver transistor,
which all together amounts to about 1 V at each side. The full GA stage
is much better in this respect. It only fails to reach the rails within one
saturation voltage, which amounts to some hundreds of mV at each side.
We call it a rail-to-rail output stage. The weakest spot in the full GA
connection is the lateral PNP transistor Q, if we cannot dispose of an IC
process with vertical PNPs. This transistor has a low current gain at
higher current densities, so it has to be chosen very large in regard to the
NPN transistor Q, to preserve some gain. Also its bandwidth is very low.
For these reasons this transistor 0, may be replaced by a NPN transistor
in the compound VF/GA version. We then have to accept an
asymmetrical output voltage range. If the output swing must be rail-to-
rail, Q, of the GA stage is sometimes replaced by a P-channel CMOS
transistor when a BiICMOS process is at hand.

The question is now how to connect the input and output stages. A GA
input transistor can only be directly connected with an GA output transis-
tor if the latter is complementary to the former. No direct connection can
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Fig. 6.1.3:  Intermediate CF level-shift stages in bipolar and CMOS
technology: (a) Folded-cascode Current Mirror (CM), and
(b/c) folded-cascode Current Follower (CF)

be made with a VF or non-complementary GA output transistor. So, we
must conclude that a level-shift stage or an intermediate stage is always
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necessary to comnect input and output stages of a general-purpose
Operational Amplifier. Otherwise the output voltage cannot swing from
close to the negative rail to close to the positive rail voltage.

An inventory of level-shift stages is given in Fig. 6.1.3 and Fig. 6.1.4.

Vep Vsp

2z —
Ra Ry Rs

V V
P o

out Vout

| e
oL, gL

2x Ve

Vsn
z

Fig. 6.1.4:  Intermediate GA level-shift stages or intermediate
amplifier stages in bipolar and CMOS technology

The folded-cascode current mirror (CM) level-shift stages in Fig. 6.1.3.a
can also be regarded as folded-cascode current follower (CF) stages in the
classification. They are able to subtract the differential output currents of
the input stage and bring the result out at a single terminal. The bipolar
version has emitter degeneration resistors to lower the current offset and
noise, and thus to lower the equivalent input offset and noise voltage of
the connected input stage. The bipolar folded-cascode current follower
(CF) stage in Fig. 6.1.3 (b) is able to connect an NPN GA input stage
with any output stage at a large bandwidth. The all-pass current networks
RzCy lead the low-frequency signal components through the PNP
transistors, and the high-frequency components through the NPN
transistors [6.1]. If the turnover frequencies f of the R,C, networks are
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higher than the cut-off frequencies f; of the PNP transistors, there is no
loss in the PNP transistors, and all of the input current is collected again
at the output. This results in a flat frequency response of the current
transfer from DC up to the f; of the NPN transistors. The CMOS CF
stage of Figure 6.1.3 (c) may have a large voltage gain due to the full
cascoded structure.

The GA stages of Fig. 6.1.4 are useful as level-shift stages between an
GA PNP or P-channel input stage and any output stage, and provide
voltage and current gain at the same time.

It stands to reason that these stages may all be of their complementary
counterparts also. There is no need to mention a straight cascode CF
stage after an GA stage, because such a cascode stage does not change
the overall topology. Similarly, there is no need to mention a VF
Darlington stage before an GA stage.

Configuration Input Level-shift or Output
number stage Intermediate stage
stage
1 GA CF -
2 GA GA -
3 GA CF VF
4 GA GA VF
5 GA CF VF/GA
6 GA GA VF/GA
7 GA CF GA
8 GA GA GA
9 GA GA + GA GA
Table 6.1: Classification of Operational Amplifiers according to their

main overall topology

The conclusion may be drawn now, that we have only one type of input
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stage: the GA type; three types of output stages: the VF, VF/GA, and the
GA types; and, finally, we have two types of level-shift stages: the
folded-cascode current mirror (CM) or the current follower CF (both
denoted as CF in Table 6.1) type, and the GA types.

From all these possibilities we can make six three-stage combinations.
We may add two possible two-stage combinations without a push-pull
output stage. Also, we may add a group of multistage GA combinations
with more than three GA, stages as the number of GA stages generally
determines the complexity of the frequency compensation structure.
Then, we have divided all Operational Amplifiers in nine main overall
configurations. These are given in Table 6.1.

The design of these nine overall topologies together with their realization
examples are further elaborated in Chapters 7.1 through 7.9.

Voltage and current gain boosting

An alternative to the cascading of more GA stages is to apply voltage or
current boosting to increase the gain.

- e

VsN —& VsN
Fig. 6.1.5.a: Voltage boosting Fig. 6.1.5.b: Current boosting of
of a CF transistor M, a VF transistor Q,

Fig. 6.1.5.a shows a CF transistor M,, used to increase the voltage gain
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of M, by the voltage-gain factor u; of M,. When we now artificially
regulate the gate of M, with an amplifier M, such that the potential at the
drain of M; remains constant, the output current is not dependent
anymore on its output voltage and the output impedance at the drain of M,
is increased [6.2]. The voltage gain of M, is boosted by the voltage-gain
factor u, of M,. The total unloaded voltage gain is now A,=p p ;.

Fig. 6.1.5.b shows a VF transistor Q, used as a Darlington combination
with Q, to increase the current gain of Q; by a factor B,. We now
artificially regulate the collector current of Q, at a constant value I, by
using @, to boost the current gain of Q, by a factor B, of Q, [6.3]. The
total current gain is now A4,=/4,4,0;.

Input voltage and current compensation

A third method to increase the gain, besides cascading more GA stages or
boosting, is compensation. Two examples are shown in Fig. 6.1.6.a and

Vsp Vsp

Fig._ 6.1.6.a: Compensation of  Fijg 6.1.6.b: Compensation of the
the input voltage across of the jpput base current of 0,, by the

source impedance 1/g,,, of M;,  pegative base currents of 0;,4
by the negative source impedance

-1/g5 4 of M5,
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In the example of Fig. 6.1.6.a, the relatively large source resistances
1/g,,, of the CMOS transistors are compensated by the equal but
negative source resistances -1/g,,; , in a positive feedback loop [6.4]. The
result is an overall transconductance g,=1/(1/g,,,1/8,3,. The
transistors M, and M, must be taken slightly smaller in their W/L ratio
than M, and M,, to make sure that the positive conductances g,,;,
dominate the negative ones g,;, so that the circuit remains stable. In the
bipolar version, small degeneration resistors R; and R, have to be inserted
in the emitters of Q; and Q, to keep the circuit stable. In the example of
Fig. 6.1.6.b, the base current of transistors Q, and @, are compensated
by duplicating these currents in Q; and Q, and mirroring them back into
the bases of Q, and Q,.

It should be clear that the above compensation methods to increase the
gain by a positive feedback loop are limited by the matching accuracy of
components. This is in contrast to the methods of cascading or boosting,
where there is no limit in gain increase at low frequencies.

However, there are two fundamental limits to the overall gain: thermal
feedback and frequency compensation. Thermal feedback on the chip
going from the output stage into the input stage sets a limit to the
maximum useful low-frequency voltage gain A4,, which can be obtained.
The maximum useful value depends on the amount of dissipated power in
the output stage and on the symmetry of the layout of the input stage in
regard to the output stage, as was discussed with Fig. 5.1.1. A maximum
useful value of the order of 10° or 10° can be obtained on a single chip.
The other gain limitation is given by the high-frequency characteristic.
This will be discussed in the next paragraph.

6.2 Frequency Compensation

The phase lag of the signal when going through the several stages of an
OpAmp determines the limit to the useful gain at high frequencies. At the
frequency where the phase lag exceeds 180 degrees, the open loop gain
must be dropped below unity. Otherwise, the feedback system will
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become self-oscillating [6.5]. Moreover, a certain amplitude and phase
margin must be adopted to obtain a response without peaking in the
frequency domain [6.6] or without overshoot in the time domain [6.7]. In
Fig. 6.2.1 the desired frequency characteristic of the open-loop amplifier
is presented. It contains the amplitude characteristic (amplitude \AV
versus frequency) and the phase characteristic (phase ¢(4,) versus
frequency), combined in a Bode diagram. It represents an amplifier with
one dominating pole P,=27f, and a limiting pole P,=2xf,. Parasitic
poles situated above P, are disregarded.

For a Butterworth pole position of the unity-gain feedback amplifier with
a flat frequency response and with an overshoot in the step response of
5%, the two pole frequencies of the open loop must be separated at a
distance of two times the DC gain:

£

—>2A , 6.2.1)
2

A larger separation of the poles is also allowed. In that case the phase
margin of the open loop gain is larger than 60 degrees. But this may
represent a waste of bandwidth or current.

Ayo 10°
4 |
? 107 |
|
3
107 |
|Av| |
(log) 10%4 | .
107 : : ! amplitude margin
! Lo /
10° e L
1Hz | 1kHz 1MHz | freq. (Hz)(log) —=
I Il
1'Hz : 1 le2 1 N’le Pl freq. (Hz)(log) —
0° — =t
9(Av) 1
i 90° [ | — phase margin
1
1800 —————————————— -

Fig. 6.2.1:  Frequency response of an Operational Amplifier
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From Eq. (6.2.1) it follows that the frequency f,=w,/27 where the
amplitude characteristic crosses zero must be a factor two below the
limiting pole frequency f,=P,/27, so

foﬁéfl (6.2.2)

The frequency f, is called the zero-dB bandwidth of the open loop
amplifier. The dominating-pole frequency f, is situated a factor equal to
the DC gain A, lower than the zero dB frequency:

Fr=fdAy, (6.2.3)

If the amplitude characteristic between f, and f, is not straight, but
curved by a pole-zero doublet, the step response of the unity-gain
feedback amplifier can be expected to have a slow settling overshoot or
undershoot component [6.7]. This is undesirable in amplifiers which need
a fast and accurate settling after a step signal. Hence, a general-purpose
OpAmp needs a straight 6 dB per octave slope between the zero-dB fre-
quency f, and the dominating frequency f,.

An overview of how to obtain the desired frequency response will be
presented now. The way this is done is called frequency compensation.
The complexity of the frequency compensation is mainly determined by
the number of GA stages in the loop. We start with a configuration of one
GA stage and end with four GA stages.

One-GA-Stage Frequency Compensation

A one-GA-stage GA-CF Operational Amplifier is shown in Fig. 6.2.2.
The amplifier has been drawn with a generalized transistor symbol T.
This may represent a bipolar or a CMOS transistor Q or M, respectively.
A CF stage has been used as a cascode, to increase the gain of the
balanced GA transistor pair. The output is loaded by a capacitor C, and a
resistor R;, including all parasitics at this point. The tail current /;, has a
value of twice the bias current Iy,.
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Fig. 6.2.2:  Simplified one-GA-stage GA-CF Operational Amplifier
with generalized transistor symbol T’

T
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Fig. 6.2.3:  Frequency characteristic of a one-GA stage GA-CF
Operational Amplifier

The DC gain is 4,,=g,,R;, With g,,=1/(1/8,,;,+1/8,12) =% ;. If there
is no resistive load besides those of the transistors, the DC gain is
maximally Ay =7 /2 011 = Y2 (Fep2/ T eer) (Teer/Toz) = %2 Bop, foOr a bipolar circuit,
and Ay =% gt a118mi 2= V21111, for a CMOS circuit, which may be of
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the order of 10° and 10*, respectively.

The amplifier has a limiting frequency f; caused by the transit frequency
f1 of the cascode transistor T,, so f;=f,. The dominating frequency f,
is caused by the load circuit, so f,=1/(27R,C,).

The zero dB bandwidth is for bipolar transistors:

_ gm] _ IB]
o 2nC, 2nC, V, (6.2.49)
and for CMOS transistors:
f = 8mi _1 \/2K131 _1 K<VGS1_VTH1): Iy,
“2nC, 2 2C, 2 €, 2C,(VeVp)  (6.2.5)

in which
V,~kT/q=25mV, KzucOXW/Lzl—(I)O, at WIL=100,

1
Em™ ZKIDzK(VGS_VTH) ’ IDz_K(VGS_VTH)z
2

and the CMOS transistor is supposed to work in strong inversion.

For a load capacitor of C;,=10 pF and a bias current I, of 100uA, the
bipolar circuit has a bandwidth of f,=30 MHz, and the CMOS circuit
fo=12MH7.

The maximum bandwidth f, must be kept half of that of the limiting pole
frequency f,=%f,=% f,, by the choice of C,. For bipolar transistors the
transit frequency f; ranges from 300MHz up to 30GHz, and for CMOS
from 100MHz up to 10GHz. In fact, the load capacitance C, functions as
well as an HF compensation capacitor.

When we divide the bandwidth by the supply power needed f,/P,, with
P,=VI, we obtain a figure of merit which is reverse to the well-known
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power delay product used in digital circuits. For the bipolar circuit:

fyP by 11 (6.2.6
52 2nC\V,V2l,, 42nC\V,V 2.6)
and for the CMOS circuit:
KV, ... -V
£/P - 1 KV~ Vigy) _ 1 1 6.2.7)

2 2nCV2l,, 421C,(VggVo)Vs

The bandwidth over power ratio is inverse proportional to the supply
voltage V; with bipolar as well as with CMOS transistors, so the supply
voltage should be as small as possible. With CMOS in strong inversion,
the best result is obtained if the gate-source voltage minus the threshold
voltage (Vs-Vyy) is taken as small as possible. In weak inversion the term
(Vos-Vyy) may be replaced by two times the thermal voltage
2V,=2kT/q=50mV. The optimum choice CMOS transistor has the
smallest possible length L and a width W so that the transistor is in
between strong and weak inversion, in moderate inversion. In that case
the ratio between g,, and C parasitic is the highest.

If we will be able to mirror the current from the input transistor 7;, and
add it to that of T,,, the bandwidth over power ratio will double.

No internal poles

If we would eliminate the cascode transistor 7, in Fig. 6.2.2, there would
be no limiting pole.

This would mean that we may use the circuit up to its transit frequency
fr. In that case the bandwidth over power ratio will be doubled, which is
already an important result. Moreover, if the OpAmp would be used in
filter applications, the non-existence of internal limiting poles means that
there is no extra phase shift involved. The external poles at the input and
output can be made part of the intentional filter poles. This situation is
highly desirable for wideband filters [6.8]. On the other hand, omitting
the cascode transistor 7, will reduce the maximum voltage gain Ay, to
that of a single CMOS or bipolar transistor. Parallel compensation by an
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artificial negative resistance equal to the output resistance is an option
[6.8]. But such a compensation is limited by the inequality of both
parasitic resistances and takes extra power again. However, it is
worthwhile looking for system architectures that allow low-gain amplifier
stages. Such simple stages as mentioned with Fig. 3.5.7 and 3.5.8 of
Chapter 3 could also then be used.

Two-GA-Stage Frequency Compensation

Next we look at the two-stage GA-GA Operational Amplifier of Fig.
6.2.4. Its frequency response is given in Fig. 6.2.5.

Vsp
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Vin [ D 1
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Fig. 6.2.4:  Two-stage GA-GA Operational Amplifier

The DC voltage gain is Ay,=g,.R.8,,R,;. When there is no external load
resistor the maximum gain is Ay, =p,p,;, which value is in the order of 10°
for the bipolar circuit and 10* for the CMOS version. The pole frequen-
cies f,=1/27R,C, at the output, and f,=1/27R,C, at the output of the
input stage do not obey the rule f,/f,>24,,. Hence, frequency com-
pensation has to be applied.
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Fig. 6.2.5:  Uncompensated frequency response of a two-stage GA-GA
Operational Amplifier

The zero-dB bandwidth f, of the non-compensated amplifier is the
geometric mean of the zero-dB bandwidths f, and f, of the two
composing GA stages:

mI ng
fo=f 6.2.8
Jofoo™ 2nC, 2nC, C, 2nC, (6.2:9)

Note, that the zero-dB bandwidth is independent of the resistor values.
Also note, that we have drawn in Fig. 6.2.5 the output stage with a
higher zero-dB frequency f,, than that of the input stage f,,. This is often
not the case. For this moment the sequence does not change our
reasoning. When it will with Miller compensation, we come back to it.
Two ways of frequency compensation can be used for a two stage GA-
GA amplifier: parallel compensation and Miller compensation.

Two-GA-stage Parallel Compensation (PC)

The parallel compensated amplifier is shown in Fig. 6.2.6, and its
frequency characteristic in Fig. 6.2.7.
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Fig. 6.2.6:  Parallel compensated two-stage GA-GA amplifier
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Fig. 6.2.7:  Frequency characteristic of a parallel compensated two-
stage GA-GA amplifier and its parallel attenuation

The parallel compensation network CpR, can best be placed in between
the two stages. Going from lower to higher frequencies, the capacitor C,
in parallel with C,, firstly, decreases the dominating-pole frequency f, to
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f',. Secondly, the reduction of gain is slowly terminated by R, above f,
if R, is chosen equal to R,=1/27f,Cp.
When we choose the components such that:

CP :RIV 2C1C2g mIg m2

(6.2.9)
RP :\/CI/( 2C2gn21ng)

we find the desired new straight 6-dB frequency roll-off from f', up to
f';, with a new zero-dB bandwidth f', positioned a factor 2 below f,:

(6.2.10)

The parallel compensation shows a remarkably good result. The new
zero-dB frequency f', lies only a factor +2 lower than the theoretical
maximum of f,. Particularly at heavy capacitive loads, when the band-
width f,, of the output stage is much lower than the f; of the transistors,
the bandwidth f,, of the input stage helps to broaden the bandwidth.
When we calculate the bandwidth over power ratio for the bipolar and
CMOS amplifier, we find respectively:

/
Iy, 12
Jo. 1 | 1als WV (120, (6.2.11)
Py 2mV\2C, G,
/ Yo 1V
Iy I 12
Jo V2K \1lwled?,y f or ) (6.2.12)
P, 21\2C, C,

we find a broad optimum for equal currents in the output and input stage
around Iy, =21;,.

When we substitute I,,=2[;, at the optimum, we obtain for bipolar and
CMOS transistors, respectively:
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fo 1 1
A (6.2.13)
Py 42n/2C C,V,V;
fo 1 1
=L == (6.1.14)
Pg 4 2mf3C\C, (VosVim) Vs

The optimum would have been v2 better if we had mirrored the output
current of T, and added it to that of the output current of T5;.

Unfortunately, there are a number of serious disadvantages associated
with parallel compensation. The main problem is that the compensation
cannot be made anywhere close to the desired value because the transcon-
ductance g,, changes signal-dependently. When the output current
changes from the quiescent value up to 100 times larger, the g, varies
with a factor 100 with bipolar transistors and a factor 10 with CMOS. A
second problem is that the compensation depends on process parameters
which are different from those to be compensated. This means that the
choices given by (6.2.9) are not accurately met and that a pole-zero
doublet will occur resulting in a slow settling component.

For class-A operation and for applications where a large slow settling
signal component is not a problem, parallel compensation is the best
choice, otherwise it is not allowed. Moreover, the relative large parallel
compensation capacitor C, takes a large chip area. These are the reasons
that other means of compensation have to be explored.

Two-GA-stage Miller Compensation (MC)

Miller compensation is the other possibility. Fig. 6.2.8 shows a two-stage
GA-GA amplifier with Miller compensation [6.9]. And, Fig. 6.2.9 shows
the frequency response of it.

The output stage with a Miller capacitor Cy, around it behaves as an
integrator with a transimpedance 1/27fC,,, between the output current /,,
at its input and the output voltage V,,:
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Fig. 6.2.8: A Miller compensated two-stage GA-GA Operational
Amplifier
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Fig. 6.2.9:  Pole-splitting by Miller compensation of a two-stage
GA-GA amplifier
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The voltage gain of the whole amplifier, including the input stage with a
transconductance g,,,, becomes:

Vout _ 8 m2
""/‘; “m (6.2.16)
The new zero-dB bandwidth f, of the amplifier is determined for
V.u'Vin=1, as:
/o 8m
fO_ZnCMI (6.2.17)

The Miller capacitor, on one hand, reduces the dominant pole frequency
f,to f', by its integrator function, but, on the other hand, provides feed-
back by which the bandwidth increases from f; to f';. It looks as if the
pole frequencies f, and f, are split apart, as is clearly shown in Fig.
6.2.9. The maximum obtainable bandwidth f’, for a 60 degree phase
margin must lie a factor 2 below the new pole frequency f';, or a factor
v2 below the uncompensated zero-dB frequency f,, just as with parallel
compensation.

So, the zero-dB bandwidth f', could be:

1 mI mZ
f__f Zf o fo= 8 6.2.18
0 0 \j 002"\ 2 2rC, 2nC, ( )

This would imply an optimal choice for Cy;:

2c.cim

g ml

C (6.2.19)

miz

This result is as good as with parallel compensation.

The following remark should be made. We have assumed that the zero-
dB frequency f,; of the output stage lies above the frequency f, of the
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input stage in Fig. 6.2.5. This may not always be the case, as the output
may be loaded with a large capacitor C,, and is also loaded by the Miller
capacitor C,;.

Fig. 6.2.10: Frequency characteristics of a Miller-compensated two-
stage GA-GA amplifier with a zero-dB frequency of the
output stage f,, lower than that of the input-stage pole
frequency f,

With parallel compensation the sequence of f,, and f,, did not matter, but
now it does. The Miller effect is based on feedback around one stage
[6.9]. Feedback is only effective if the loop gain around that stage is
higher than unity. At frequencies where the loop gain is unity or lower
the Miller effect is not present anymore. This is the case when we try to
split the output pole frequency f, beyond the point f,, where the gain of
the output stage is lower than unity. The situation is drawn in Fig.
6.2.10. The splitting of the output pole frequency f, stops at the limiting
pole frequency f,,.

/. _ 8mi
frefo=s = C. (6.2.20)
Further lowering of f, by increasing C,,, must be carried on until the
zero-dB frequency is two times lower than f', for a phase margin of 60
degrees. Hence, the zero-dB frequency f’, must be chosen:
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s 1 1 1 4 m
fo=~2~fﬁ§fm=55n~é—l (6.2.21)
The lowering of f', by increasing C,,, without increasing f', beyond f,, is
inefficient. We could as well have started with a lower bandwidth f;, of
the first stage to save power. Later we will see how low. For the moment
it can be concluded that the zero-dB bandwidth of the whole amplifier is
limited by half that of the output stage % f,,. This ends the remark.

The equations (6.2.17) and (6.2.21) determine the minimum choice of
Cur

ng gm2
Cui= >2

27tf(/) Emi

o (6.2.22)

The Miller compensation capacitor C,; is calculated at the lowest value of
the current through 7, which is I, where g, has the lowest value and at
the highest expected value of the load capacitance C,.

The dominating pole frequency becomes:

f/
fi

(6.2.23)

v0o

Wlth AVO zgmzRngIRI .

As the zero-dB bandwidth f’, of the whole amplifier is limited by half
that of the output stage % f, with its load capacitance C,, a high
transconductance g,,, of the output transistor 7, is needed. For this a high
current is needed and a large transistor. But this enlarges C,. The Miller
feedback is attenuated by the voltage divider C,,,/(Cy;+C,). By this value
the limiting pole frequency f'; and the bandwidth f', are lowered:

f/=-1-f/=1 8w Cm
“ 27" 221C, C,,+C,

(6.2.24)

For a bipolar transistor with C,=Cy; and C,,;=C,, the bandwidth is
practically limited to:
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1., 18, 1
e fm M (6.2.25)

f =_
* 27" 22rC, C,,+C, 4

For a CMOS transistor, an optimum is reached at the same value when
we set the width W so that C,,,=C,=C;,, and of course, at minimum
length L.

Under these conditions we can now choose the minimum power and
bandwidth f,, of the input stage, which need not be higher than
w="fu=f",. This brings us back to the first case of Fig. 6.2.5 and
Fig. 6.2.9 with f,,<f,,. The result is a bandwidth over power ratio for
bipolar and CMOS transistors of respectively:

fo 1 1
Jo_ (6.2.26)
P, 421(C,+2C,)V,V,

/

Jo_1 L (6.2.27)

Py 4 21(C,+2C,)(Vos—V) Vs

When we compare these results with those of parallel compensation we
find a somewhat lower bandwidth over power ratio. With C,=C, the ratio
is 3/v2 = 2.1 lower, and with C,=10C, the ratio is 12/¥20 =~ 2.7 lower
than that of parallel compensation. Although, this is a disadvantage of
Miller compensation, there are many advantages.

The main advantage of the Miller-compensated amplifier over the
parallel-compensated version is the straight 6dB/oct. roll-off of the
frequency characteristic, without pole-zero doublets from pole-zero
cancellation techniques. This makes the amplifier suitable for fast settling
step responses without slow settling components.

Another important advantage of Miller compensation is that all gain
which is attenuated by the compensation capacitor C,,, is used to lower
the linear distortion of the output stage and to lower the output impedance
of the output stage. With parallel compensation this attenuated gain is lost
for any use!
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A final advantage is that the compensation capacitor C,; 1s much smaller
compared to that which is needed with parallel compensation.

The obvious choice with Miller compensation is to utilize most of the
supply power in the output stage.

With Miller compensation, a zero appears in the right-half complex plane
at a frequency f’,, which is of influence if f”, is close to f”;:

gm] / Cl
fl= =fi— (6.2.28)
2nC,, ' C,,

The additional zero frequency f', in the right half of the complex plane
causes a reduction of the phase margin for values of f’, above but still
close to f’,. If f’, is below f’,, even nearly a reversal of the phase
occurs. This effect can easily be understood if we consider that the Miller
capacitor C,,; functions as a feedforward path across the output transistor.
At frequencies of f’, lower than the limiting pole frequency f';=g,,/27C,
the output transistor is no longer effective and the transistor does not
inverse anymore.
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Fig. 6.2.11: Passive Miller Zero Cancellation with a resistor R,,=1/g,,
in series with C,,

Many techniques have been used to overcome this effect. The best ways
are shown in Fig. 6.2.11, 6.2.12 and 6.2.13.
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Passive Miller Zero Cancellation with a resistor R,,;=1/g, in series with
Cy; 1s shown in Fig. 6.2.11. The resistor R,, must attenuate the
feedforward path through C,,; by the same amount as by which the g,,; of
the output transistor provides gain.

The value of R, must be matched with //g,,. This must be the case at
the highest current through 7,, otherwise the Miller is not effective at
high currents. This means a low value for R,,,. In turn at low currents,
Ry, 1s too small. So this way provides only a poor compromise.

The next possibility is Active Miller Zero Cancellation using a cascode
transistor 7} in series with the Miller loop, as shown in Fig. 6.2.12 [6.10,
6.11}. The zero cancellation is most needed with CMOS, because of a
relatively low g,,,. With CMOS a cascode is already often present at this
place for increasing of the gain. The cascode has two advantages. Firstly
the Miller feedback circuit has more gain, viz. C,,,/C,, instead of that of
the conventional configuration which amounts C,,,/(C,,,+C,).
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Fig. 6.2.12: Active Miller Zero Cancellation with a cascode in series
with the Miller loop
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This means that the limiting pole frequency f’, can be increased by
roughly a factor 2 from % f,, to I f,,, with Cy,;=C, [6.10, 6.11]. Hence
the bandwidth of the whole amplifier can be a factor 2 larger.

Secondly, the Miller capacitor feeds back to a point at the emitter or
source of T, with a much smaller voltage movement than at the base or
gate of the output transistor 7.

This improves the linearity of the OpAmp in the frequency range where
C,; 1s active.

However, at high output currents the gain can become so high, because of
a high g,,;, that the phase margin within the Miller loop, having a second
pole at the input of T; with a value of f;=g,,;/C,,, becomes too low. This
is particularly the case with CMOS transistors. In that case, C, must be
artificially enlarged. Alternatively, we can choose a nested combination
of a part of C,;, through the cascode transistor 7; and an other part of Cy,
directly to the gate of 7;. [6.11].

Vsp
4]
IBzz‘é éllam 181ié
“CM1 \%?ut
1 r
Im1
s T2 T |
Vin S =" D Ao L H Ry
é‘lm
& &
Vsn

Fig. 6.2.13: Multipath Miller Zero Cancellation with an additional
feedforward path of opposite polarity

Finally, the Miller zero can be canceled by adding a feedforward path
across C,,;, as shown in Fig. 6.2.13. This precisely cancels the current at
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the right-hand side of C,;, which causes the zero of the feedforward path
through C,,. The equal but opposite currents are precisely available at the
outputs of 7,, and T,, of the differential pair. This technique is called
Multipath Miller Zero Cancellation [6.12, 6.13].

A disadvantage of this technique is that this feedforward path is not
always available. Nor can its voltage always swing from rail-to-rail.

Three-GA-Stage Frequency Compensation

Fig. 6.2.14 shows the basic circuit of a three-GA-stage Operational
Amplifier.

The way of frequency compensation of a three-GA-stage Operational
Amplifier is to: firstly, compensate the two-stage output and intermediate
stages as was done in previous sections by parallel or Miller compensa-
tion; and secondly, compensate the whole amplifier again with parallel or
Miller compensation as if the intermediate and output stages were one
new output stage.
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Fig. 6.2.14: Three-GA-stage Operational Amplifier

Though parallel compensation may lead to a slightly higher bandwidth
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over power ratio, its pole-zero cancellation is very dependent on para-
meter spreading of the IC process and current variations.

Moreover, parallel compensation leads to large compensation capacitors.
For these reasons we will only choose the overall Miller compensated
structure of an already Miller compensated intermediate and output stage.
This is called nested Miller compensation [6.3, 6.14].

f (Hz) —

Fig. 6.2.15: Frequency characteristic of the three-GA-stage amplifier of
Fig. 6.2.14

Three-GA-Stage Nested Miller Compensation (NMC)

A nested Miller compensated amplifier is drawn in its basic structure in
Fig. 6.2.16 [6.3, 6.14].

We firstly split apart f, and f, by a regular Miller compensation capacitor
C,,; to new positions f'; and f',. Next, we split again f', and f; apart by
a nested Miller compensation capacitor C,,, to final positions f'', and f';.
The second splitting by C,,, has been made possible by the choice of a
non-inverting intermediate stage g,,..
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Fig. 6.2.16: Nested Miller compensation of a three-GA-stage Oper-
ational Amplifier

Fig. 6.2.17: Frequency characteristics of the nested Miller compensated
three-GA-stage Operational Amplifier of Fig. 6.2.16




6. OVERALL DESIGN 227

The combination of a non-inverting intermediate stage g,, and inverting
output stage g, results in an inverting two-stage amplifier combination,
which can be compensated by a nested Miller capacitor G, again. The
frequency characteristic is shown in Fig. 6.2.17.

The choices of C,,;, and C,, are determined by the limiting pole frequency
f';, which amounts again:

ml
f] 21C, (6.2.29)

The zero-dB bandwidth f', of the intermediate and output stage must be
taken half of ', for a 60 degrees phase margin:

fo= f1 22nC, (6.2.30)
From this the value of C,,; follows as:
ng ng
Cpp=——=2—=C, (6.2.31)

C,,; must be calculated at the lowest value of the bias current /5, through
T, at which g,,, is minimal and at the highest value of the load capacitance
C,. Next we split again by the outer Miller capacitor Cy,. The zero-dB
bandwidth f'’, of the whole amplifier must be again taken half of f’, for
a 60 degrees phase margin:

v 1

fo ——fo——f 1 (6.2.32)

From this the value of C,,, follows as:

8 m3 1713
mp=—— =4—C, (6.2.33)
27'[f0 Emi

C

The low-frequency gain A, and the dominating pole frequency f';
are:
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A v0 :gm3R3gm2RZg m]R2 (6234)
fos=folAg (6.2.35)

Nested Miller compensation is a robust way to compensate a three-GA-
stage Operational Amplifier. The load capacitor C, may be chosen
smaller than the upper supposed value, but not larger.

No pole-zero cancellation techniques are needed. An abundancy of gain
can be obtained with three GA stages. The penalty is that the bandwidth
is half that of the version with two GA stages, and that we need extra
current for the input stage.

An optimal choice for the currents of the three stages is roughly deter-
mined by:
1 1
fos=fon=For=Fos or (6.2.36)

gm3 :1 ng :l gm]
22C, 22rC, 42xC,

(6.2.37)

So, the contribution to the total supply current of the current of the input
stage is relatively low. And the bandwidth over power ratio is about two
times lower than that of the two-GA-stage amplifier.

Three-GA-Stage Multipath Nested Miller Compensation (MINMC)

A way to regain the factor 2 again is to use the multipath nested Miller
compensated (MNMC) circuit of Fig. 6.2.18. [6.14, 6.15].

The circuit has a second input stage with a transconductance of g, ;,,
additional to the first input stage with g,,;,. The second input stage forms
an independent parallel path across the first input stage and intermediate
stage. The second input stage is connected to the input of the output
stage. In fact, we have a two-stage amplifier in parallel to a three-stage
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amplifier. At low frequencies the three-stage amplifier dominates by its
large low-frequency gain. But at high frequencies the two-stage amplifier
is allowed to dominate. In the middle range both paths have equal transfer
functions, without adding their transfers. Adding would have resulted in a
pole-zero doublet. Adding would have happened if we had a simple
parallel path across the intermediate stage, for example as in the NE5534
(see Chapter 7.6).
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Fig. 6.2.18: Multipath nested Miller compensation of a three-GA-stage
Operational Amplifier

The frequency characteristics of MNMC are drawn in Fig. 6.2.19.
The main requirement is that the two-stage and three-stage amplifiers

touch each other so that one takes over from the other without pole-zero
doublet.
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Fig. 6.2.19: Frequency characteristics of a multipath nested Miller
compensated (MNMC) three-GA-stage Operational Ampli-

fier

This leads to the following choices:

gnu’
f1-
e

/_1 /'_1 gm/
fo=3 1 2 2nC,

C. = gm32 =2 gm32 C
1 1
27[f(/) Emi

Vs W,
fo:fozafl

C = gm}j/ ) gmj’] C
27'Cf0 Emi

M2 1

(6.2.38)

(6.2.39)

(6.2.40)

(6.2.41)

(6.2.42)
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Fi=folA (6.2.43)
1
8 mZ<§g m32 (6 2 . 44)

The limiting pole frequency f', is set again by the output stage according
to (6.2.38). The zero-dB bandwidth f', is chosen half of f';. The
additional input stage with g,;, and f', is compensated as if it were the
first stage of a two-stage amplifier combination with C,,; according to
(6.2.40).

The original input stage with g,,;, is now compensated with C,, according
to (6.2.42), at the same zero-dB frequency f', as g, with C,,; has been
done. This implies that the compensated characteristics of the two and
three-stage amplifiers touch each other for a wide frequency range. At the
high frequency end the two-stage amplifier extends up to the limiting pole
frequency f';. At low frequencies the three-stage amplifier goes down to
f's=f's/A,,. The overall characteristic is straight from f', down to f';
with a 6-dB/oct roll-off. There is no summing of the two characteristics
in the middle range because of the independent nature of the two
characteristics. The two-stage amplifier must have a zero-dB frequency
f'o = &us/27 Cyy; equal to that of the three-stage amplifier f'y ~ g,5,/27
Ciiz-

The matching of g,;,/2,3,=C;,/Cy, determines the pole-zero cancellation
in the overall characteristic. Accurate matching can be realized within
some tenths of a percent, because C,,, and C,;, can be made by the same
type of integrated MOS capacitors, and g,,;; and g,,;, are the result of two
equal stages, biased with equal current sources.

The accurate controllable matching of the two characteristics in IC
technology is a major advantage of the multipath nested Miller compen-
sation technique over other pole-zero cancellation schemes.

The value of g,,, of the intermediate stage is still undetermined. We want
the frequency characteristic to beg determined by the second input stage
2.5, at the zero-dB frequency f', and not by the intermediate stage g,,.
For this reason we take g,,< 74g,,5,, as prescribed by (6.2.44).
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The result is a three-stage OpAmp with a large amount of gain and nearly
the same bandwidth over power ratio as the two-stage Miller compensated
Operational Amplifier. The extra costs are the addition of the second
input stage and its addition to the supply power.

Four-GA-Stage Frequency Compensation

When we need more gain we can add a fourth stage or even more stages.
The question is how to compensate these stages reliably. Besides parallel
compensation, which becomes very impractical with four or more stages,
the nested Miller compensation method can be extended. However,
without multipath, we loose a factor 2 in bandwidth each time we nest.
With many multipaths the circuit becomes complex. For instance, with a
four-stage amplifier, already three input stages are needed in front of the
circuit of Fig. 6.2.18. To simplify the nesting, and not lose a factor 2
each nest, we can use hybrid nested Miller compensation.

Four-GA-Stage Hybrid Nested Miller Compensation (HNMC)

The circuit of a hybrid nested Miller compensated (HNMC) four-GA-
GA-GA-GA stage Operational Amplifier is shown in Fig. 6.2.20 [6.16,
6.13]. The circuit is maximally simple for a four-stage amplifier because
no differential stages are needed for the second and third stage.

The driving of the output stage can nearly be done from rail-to-rail. No
cascodes are needed because there is an abundancy of gain. This means
that this HNMC is suitable for the lowest possible supply voltage with
one V plus one Vg, [6.16].

Three invertors are connected in cascade: The first and second stages,
counted from the output, are compensated by the Miller capacitor Cy,.
The new pole positions f; and f, are split to f'; and f',.

The third and fourth stages with f; and f, are split by the Miller capacitor
C,; into the new pole positions f'; and f',. The frequency characteristics
are drawn in Fig. 6.2.21. The two two-stage Miller-compensated
amplifiers 1, 2 and 3, 4 are cascaded into one amplifier with two
dominating poles f', and f’,. The phase of the three cascaded inverting




6. OVERALL DESIGN 233

amplifiers is just right so that the poles f', and f’, can be split by an
overall Miller capacitor C,, into the final pole positions f'', and f'’,. The
following choices have been made:
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Fig. 6.2.20: Hybrid nested Miller compensated four-GA-stage
Operational Amplifier

The limiting-pole frequency is:
g ml
f1=
" 2nC ;

(6.2.45)

The zero-dB frequency f', of the driver and output stage must be half f';,
80:

£, :éff (6.2.46)
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Avo

[Av]
(dB)

Fig. 6.2.21: Frequency characteristics of hybrid nested Miller compen-
sated four-GA-stage Operational Amplifier

The gain around the driver and output stage is determined by the

intermediate inverting stage T; with a gain of C,,,/Cy;, which leads to the
choice:

ng - 1 CMZ gm]

2nC,,, 2C,;2nC,

(6.2.47)

Ml

This is only true if the limiting pole frequency f'; of the intermediate
stage is larger than two times f';, which means a choice:

gm3 S gml (6248)
2zC,,, 2nC, o
The overall bandwidth f'', must be taken half f',, hence:
v Ler 1
fo=ofo=7 11 (6.2.49)

This leads to a choice for Cy,,:
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gm4 :1 gm]

2xC,,, 42xC,

(6.2.50)

The hybrid nested Miller compensation is a robust way to handle the
stability of a four-GA-stage Operational Amplifier. The zero-dB
bandwidth is four times lower than that of the limiting-pole frequency
f'1= &u/27C;, of the output stage and its capacitive load. The load
capacitor C; may be taken smaller, but not larger than given by the above
formulas.

Four-GA-Stage Multipath Hybrid Nested Miller Compensation
(MHNMC)

We can improve the bandwidth of the HNMC amplifier with a factor 2 if
we add a multipath input stage according to the multipath hybrid nested
Miller compensated (MHNMC) amplifier of Fig. 6.2.22 [6.16, 6.13].

In that case, we do not have to take the zero-dB bandwidth f'', of the
amplifier half of f’, but equal to f'’,. So the overall zero-dB bandwidth
S, becomes equal to f',, without losing a factor 2:

1
f5/=f6:-2~f{ (6.2.51)
This leads to the choice for C,,:

gm41 :1 gm]
2nC,,, 22nC,

(6.2.52)

Further, domination of the HF path by the gain path should be prevented
at high frequencies. This means that the gain through the driver stage
must be lower than that of the direct path.

This leads to the choice:

CMZ ng < 1 gm42
C,;2nC,, 32xC,,

(6.2.53)

This also means that the limiting-pole frequency f'; of the intermediate
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stage may be lower:

Sms_ 1 S (6.2.54)
22C,,, 32xC,

Finally, we must match the 6 dB roll-off of the gain path with that of the
HF path, in order to avoid a pole-zero doublet. This leads to the
important choice of:

8mar _ 8maz

2nC,, = 2nC,, (6.2.55)
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Fig. 6.2.22: Multipath hybrid nested Miller compensated four-GA-stage
Operational Amplifier

The frequency characteristics are shown in Fig. 6.2.23. The result is a
robust compensated four-stage amplifier with an abundance of gain and
nearly the same bandwidth over supply power ratio as the two-stage
Miller compensated amplifier. Only the currents of the third and fourth
stages add to the supply powerconsumption.
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Fig. 6.2.23: Frequency characteristic of the multipath hybrid nested
Miller compensated four-GA-stage Operational Amplifier

Four-GA-Stage conditionally stable MHNMC

An interesting simplification can be made of the MHNMC amplifier. If
we eliminate C,;,, a conditionally stable MHNMC amplifier arises [6.13].
This can be of advantage in audio amplifiers to increase the loop gain of
the feedback amplifier up to 20kHz for a lower distortion, while a slow
settling component can be tolerated. The gain is allowed to roll off above
the 20kHz at a higher rate than 6dB/oct. In this case it is 12dB/oct.
However, at the zero-dB frequency this must be slowed down again to
6dB/oct. The independent nature of the multipath makes that this can be
robustly realized, only depending on the multipath parameters. The
frequency characteristic of the conditionally stable MHNMC amplifier
without C,,, can be derived from Fig. 6.2.23.

Starting with the DC gain flat from the right until f',, then with 6dB/oct
down until f,, following with 12dB/oct down until it hits the curve of the
compensated two-stage amplifier g,.,./27C,,;, which equals the overall
characteristic of the MHNMC amplifier. The overall characteristic is
determined in this range by the second input stage g,., and the output
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stage which take the frequency response down by 6dB/oct through the
zero-dB line.

Multi-GA-Stage compensations

Many variations and combinations can be made in the HF compensation
of Operational Amplifiers. With MNMC and MHNMC more than four
stages can reliably be compensated without too much loss in bandwidth
over power ratio [6.13].

Reverse Nested Miller Compensation (RNMC)

Another interesting way of compensation is the reverse nested Miller
compensation (RNMC) in which a large bandwidth over power ratio can
be obtained [6.13] under certain conditions. With reverse nesting a stage
more close to the input is used as the center of nesting, while the nesting
extends to several stages behind it. An example is RNMC around the
input of an inverting intermediate stage of a three-GA-stage amplifier. It
may ease the restrictions for a capacitive load.

Conclusion

We have seen that frequency compensation is needed with amplifiers
having more than one stage. Parallel compensation leads to the highest
bandwidth over supply-power ratio. However, strong pole-zero doublets
can be expected, because of unmatched different IC process parameters.
This makes parallel compensation unfit for amplifiers used to obtain a fast
step response without slow settling components. Miller compensation is
very robust and has by nature no pole-zero doublets. However, the
bandwidth is limited by that of the output stage. Derivations of Miller
compensation (MC), such as NMC, MNMC, HNMC, and MHNMC for
amplifiers with more than two-GA-stages can successfully be
compensated without loosing too much of the bandwidth over power
ratio.
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6.3 Slew Rate

The currents and voltages in an Operational Amplifier are limited. Each
stage has its own limitation. The two-stage amplifier of Fig. 6.3.1 has
two current limitations: one at the output of the output stage I;, and one
at the output of the input stage I,,. These currents limit the speed at which
the output voltage V,,, can change. This speed is called slew rate
S,=dv,,/dt.

When the limitation at the output dominates, the output voltage V,,
cannot slew faster than:

dv
Sr] :( d;ut) :IB]/CI :VZmaxng/Cl :VZmaxznfOI (631)

for linear or sinusoidal waveforms, with V,,, as the maximum linear
approximated voltage swing at the input of 7,, which amounts to
Vomae=V7r=kT/q for bipolar, or V, ,,.=Vs -V for CMOS, and
Sor=8./27C, is the zero-dB frequency of the output stage.

However, the above is seldom the case, because when the output is biased
in class-AB, it has basically no current limitation.

Moreover, when feedback is applied the voltage gain is strongly reduced.
The limitation will be almost certain in the input stage. Its output is
attenuated by the parallel or Miller compensation network, which is
dotted in Fig. 6.3.1.

If the frequency of the input signal is raised above the dominating pole
frequency f, of the compensation network, the signal is attenuated
proportionally to the frequency, while the output voltage remains constant
because of the feedback.
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Fig. 6.3.1:  Two-stage Operational Amplifier with parallel or Miller
compensation and feedback resistor

Fig. 6.3.2:  Time responses of various signals in the circuit of Fig.
6.3.1 showing slewing with f=R,/(R;+R,)=1, at unity
gain

The increase of the output current of the input stage goes on until the
maximum current of I,=2I, is reached. At higher frequencies, the
returning part S=R;/(R;+R,) of the output voltage V,, cannot follow the

source voltage Vi any more. Fig. 6.3.2 shows the various response
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voltages in Fig. 6.3.1 with #=1, at unity gain feedback. The input stage
is blocking if the input voltage V,,=V, -4V, is larger than V,, ., which
18V, .~2Vy=2kT/q for a bipolar differential input pair and V,,,, ~
2(Vg- Vi) for a CMOS differential input pair.

So, normally the slew rate S, is dominated by the input stage, and can
then be calculated for parallel and Miller compensation as:

av,, 1 1 /
5 dt :IBZFngR 1 :IBZC_ Vi ma2fo (6.3.2)
max M

14

for parallel compensation with f',=g,,8,,R;/2nC,, or for Miller
compensation with f',=g,./27C,,, respectively.

We can now compare the slewing of the output stage with that of the
input stage. Normally we choose f', of the whole amplifier half of f,, of
the output stage so that the slewing of the input stage dominates. This is
also valid for a well-designed Operational Amplifier with more than two
stages.

The relation between slew rate and bandwidth makes it possible to
calculate one from the other. For a bipolar input pair
Vimax =2kT/q=50mV. For CMOS, V,, ,...=2(Vss-Vyy) may be from 100
mV up to 1Volt.

(Sr) bipolarz 03f(/) (6 3. 3)

(S ) enos™(0.6 t0 6)f; (6.3.4)

Apparently, CMOS transistors have a higher slew rate than bipolar
transistors, and more so when they are in stronger inversion. However,
this is only seemingly true. The same results as those with CMOS are
obtained with bipolar transistors if we use degeneration resistors in series
with the emitters to lower the g,,,/I,, ratio. A compromise must be chosen
between slew rate and offset and noise.

A general approach to increase the slew rate is to make the bias currents
signal dependent with a class-AB input stage. This will be discussed in an
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example in Chapter. 7.1

6.4 Non-Linear Distortion

We encounter two types of non-linear distortion when using Operational
Amplifiers: firstly, distortion caused by the input stage before slewing,
and secondly, distortion caused by the output stage.

To investigate the distortion caused by the input stage before slewing, we
have to have a closer look at the transconductance g,,, for large signals of
the input stage of Fig. 6.3.1. This is depicted in Fig. 6.4.1.
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7
A .
' —Ig2
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Fig. 6.4.1: Transconductance g, of the input stage for large signals

When we looked at slewing, we treated the input stage as if it had a
straight transconductance g,,, over the maximum useful input range from
-V, e UP 10 +V,, ... at which values the output current /, changed from
Iy, up to +Ip, with I;,=2I. In reality we find a lying "S” shaped
function. For a bipolar and a CMOS pair we have, respectively:

1,=Ip,tangh(V, q/2kT) (6.4.1)
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(6.4.2)

When the current of T,, is subtracted from that of 7, by a current mirror,
these values are doubled.

It is interesting to note that by the balanced nature of the input pair all
even order distortion components have disappeared. Only odd harmonic
distortion remains. At plus and minus half V,, ., which corresponds with
half the slew rate, the third-order distortion voltage component (V,, 5,15
referred to the input voltage is about 10% of V,, or 2.5mV for bipolar,
and 5% of V,, or 5 to 50mV for CMOS tran51stors This distortion
component can be seen as an additional voltage source V,, ;, in series with
the differential input voltage V,,.

Though the input distortion voltage is larger with CMOS than with
bipolar transistors, the relative frequency at which half the slew rate
occurs is much larger with CMOS than with bipolar transistors. This
overcompensates the larger distortion with CMOS, as we will see in the
following calculation.

The signal-to-distortion ratio is:
S V Vv

= = (6.4.3)

D VmD AVmD

For an output voltage of V,=/V, and a closed loop gain A=1, the S/D
ratio is in the order of 400 for bipolar transistors and between 200 and 20
for CMOS at the frequency where the amplifier is half slewing.

The bandwidth f > at half the slew rate is:
sr/2 S/ZT[V = fO in max’ V ut (64 4)

For an output voltage of 1 V, the bandwidth f,,, is f',/40 for bipolar
transistors, and f',/20 to f',/2 for CMOS. Above this frequency the
distortion rises sharply, but below f,,, the third-order distortion V,, ;,
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reduces with about the square of the ratio (fV,,./%2f oV ma) 16-13]:

| 2
Vin3rdz( Vin3rd> sr/Z( f Vo/ E‘f Ovin max) (6.4.5)

We can now take this in consideration for the signal-to-distortion ratio
S/D, and obtain:

2
Ve V v 50
i: S _ out 1 in max 2 (64 6)

D VinD AVinD A Vout(Vin_?rd )sr/ZK f

For bipolar and CMOS transistors this can be roughly estimated at:

1.)°
_fo
(i) 112 (6.4.7)
D bipolar A Vom‘ f
1./)2
._fo
(i] _121020] 2 (6.4.8)
D CMOS A Vout k f

The result is that for a signal-to-distortion ratio of better than 0.1%, at
V=1V, and A=1, we have a bandwidth of about f',/60 for bipolar
transistors, and between f',/40 and f',/13 for CMOS transistors.

The slack characteristic of CMOS transistors in strong inversion appar-
ently is in favour of the steep one of bipolar transistors for distortion. The
more the CMOS transistors are in strong inversion, the better. But again,
with emitter degeneration of bipolar transistors we can obtain the same
results as with CMOS.

The distortion caused by the output stage can be modeled by the trans-
conductance of the output transistor g,,. The output current /, is distorted
as a function of the drive voltage V, at the output of the second stage.

The distortion to signal ratio D/S cannot generally be expressed by a
function of the ratio of the output current to the maximum output current
Iy,
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%f(loﬂgp (6.4.9)

because this function may have several types of non-linearity.

Ip =ID? I :Ic?
IB IB
EIB %IB

V1 Vo =Vgg —*

Fig. 6.4.2:  Transconductance of (a. to the left) CMOS transistors and
(b. to the right) bipolar transistors

For CMOS with I,=%f (Vs-V;)? the distortion at a maximum
sinusoidal output current can be estimated at 10%, and is of the second
order. For bipolar transistors with I.=1; exp (Vg/V;) the distortion can be
estimated at 20% totally, including even and odd order components. For
a complementary transistor pair in a push-pull class-AB configuration
with a high ratio between the maximum output current /,, and the
quiescent output current Iy, the second order harmonic distortion
disappears but the odd harmonics increase. This is depicted in Fig. 6.4.3.

The distortion with CMOS transistors is estimated at 10%, when we have
adapted the W/L ratios of both transistors so that their Ks are equal for
the P channel and N channel transistor. For bipolar transistors the
distortion is estimated at 30%.

Until now we have assumed that the transistors are voltage driven. But if
we drive with a current, which is the case at low frequencies, or if there
is no parallel compensation, a bipolar transistor determines the value of
R, and C, at its input. If we replace R, for f3,r,;, and I,=f,1I,, the bipolar
transistor becomes fairly linear with a distortion of 1% for a single
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transistor.
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Fig. 6.4.3 Transconductance of (a. to the left) CMOS class-AB push-

pull complementary pair, and (b. to the right) of a bipolar
pair

For a class-AB push-pull complementary pair, the distortion may be 20%
because of a large difference between the current gain 8, and f, of the
PNP and NPN transistors. The situation is drawn in Fig. 6.4.4.

IOT IOT
B ———— e
4 /
B 7 61 4
1 74 s
> IBt|—— s
4 7/
// /
v /
Igy—> /7 Ig11+Igp —
//
7/
B2
— = -Tom
Fig. 6.4.4:  The current transfer characteristic of (a. to the left) a

single bipolar output transistor, and (b. to the right) a
class-AB push-pull complementary bipolar pair

The main advantage of feedback with an Operational Amplifier is that the
distortion of the output stage is strongly reduced by the return difference
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or loop gain A4, f3y, in which A, is the open loop gain of the amplifier and
By the attenuation of the feedback network in the loop.

T

|Av]
(dB)

f(Hz) —

Fig. 6.4.5:  Frequency characteristics of the closed-loop gain (4,.) and
open-loop gain (4,,) two-stage amplifier of Fig. 6.3.1

The closed-loop gain A, is determined by the feedback network

Aye 1 AycBy . 1

= = - 6.4.10)
Y1 Ay By By 1+A,By, By (
Bv=Ry/(R;+R,):
oA, A 1 1
v v Aye
= = = 6.4.11
e 0A,c A, 1+A, By AyBy ! 4

The sensitivity S4v_ of the closed-loop gain A, to changes in the open loop
gain A, is reduced by the loop gain A,. f,, as is calculated in Eq.
(6.4.11). With the same value as that of the loop gain the distortion is

reduced. Fig. 6.4.5 shows the loop gain A, 8, of the compensated and
Ayyc of the non-compensated amplifier.

At low frequencies the loop-gain is Ay, By=8,R:8.R; By. This is
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normally a large value and the distortion is mostly reduced by it. At low
frequencies bipolar transistors can be regarded as current driven along
with their specific distortion. The reduction of the distortion at high
frequencies depends on the way the amplifier is compensated.

With parallel compensation using Cp and R, the return difference is unity
Aycfy=1 at the bandwidth of the feedback amplifier f=f", B,

Hence, at this frequency the full distortion of the output transistor appears
at the output. The shaded area of the loop gain in Fig. 6.4.5 is lost and
cannot be used for reducing the distortion. At a frequency 10 times lower
than f, the distortion is only reduced with a factor 10.

With Miller compensation using C,, the linearity is much better than with
parallel compensation. The reason is that the Miller capacitor internally
provides feedback across the output transistor reducing its distortion. It
can be regarded as if the gain of the non-compensated amplifier is still
available to reduce the distortion. At the bandwidth f,=f", B, of the
feedback amplifier, the return difference is still Ay B,=f,/f',, which
might easily be of the order of 100. At a frequency 10 times lower than
fp the distortion 1s reduced by a factor 1000. With a closed-loop
bandwidth near f', at unity gain, the advantage of the Miller
compensation over parallel compensation is lower.

With nested Miller compensation around the output stage of a three- stage
amplifier, the advantage is even more pronounced as the uncompensated
gain is larger than that of a two-stage amplifier.

There is one distortion component which is added with Miller compensa-
tion. The Miller capacitor is connected to the diode voltage at the input of
the output transistor as a virtual ground. The non-linear voltage
characteristic of this diode appears in series with the output. The non-
linearity of this diode voltage is only reduced by the return difference
AyB, of the compensated amplifier. To eliminate this effect, the Miller
capacitor can be connected to the input of a cascode transistor inserted
between the input and output stage, as shown in fig. 6.2.12.
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Conclusion

We have seen that the distortion of the Operational Amplifier originates
from the input stage and the output stage. The distortion of the input stage
is lower than 1 percent in regard to a signal voltage of 1 Volt. It is
reduced by the ratio of the signal frequency f and the frequency f,, at
which the amplifier slews. The distortion of the output stage is in the
order of 10 percent. It is reduced by the compensated loop gain with
parallel compensation and with the uncompensated open loop with Miller
compensation. Miller compensation and particularly nested Miller
compensation strongly reduces the distortion of the output stage.

6.5 Problems and Simulation Exercises
Problem 6.1

Using NMOS devices for the one-stage amplifier in Figure 6.2.2, sized
W/L,; 1,=200u/2p, W/L,=50 p/Ip, draw the Bode amplitude charac-
teristic if the devices have Vpy=0.5V, Ky=56pA/V?, Ay=0.1V', and
Jr=30 MHz. Biasing currents are I, =I100uA, I;,=50uA and the load
capacitor is C;=10pF. How does the Bode characteristic change if a load
resistor R, =500K{2 is added in the circuit?

Solution

The DC gain of the amplifier can be calculated for no external resistive
load as the product of input stage g, and the output impedance of the
cascoded transistor 77,

1 1
ADC_EngIrds]IngrdsZ__l’l’lly'Z (6.5.1)

2

For saturated MOS transistors, the voltage gain x can be calculated
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o= =75
}\'N 2IDII
w
K,—
\ Lil

(6.5.2)

h— =53
, 21,
w
K,—
N L

The DC voltage gain of a one-stage NMOS amplifier becomes

1 1
ADC:EgmllrdsIIngrdsZ:Eul1”‘2:2000 (6.5.3)

The second non-dominant pole of the amplifier is given by the transit

frequency of 7,

f,=f,=30MHz (6.5.4)

The unity gain bandwidth is set by the ratio of the input stage g,, and the

load capacitor C,

1 gmli
=— =11.9MH7
fo 2nC, (6.5.5)

at g,;;=750uS. Note that the second pole frequency is more than two
times larger compared to the unity gain bandwidth, so the phase margin
will be higher than 60 degrees. The dominant pole frequency is obtained
as the division of unity gain bandwidth to DC voltage gain value
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f
fZ:—Ai:S.6KHz (6.5.6)

DC

The changes produced by the presence of a load resistor are related to a
reduced output impedance, which in turn reduces to voltage gain and the
unity gain bandwidth. If the load resistance is much smaller than the
amplifier output impedance

R,=500KQ « 1,8, 4 =10.25MQ (6.5.7)

then the two equations above, which are dependent on DC voltage gain,
are affected by the load resistance alone

1
ADCZEngIRl =187
fo (6.5.8)
f,=—% —63.6KHz
2
Ape

The decrease in voltage gain is dramatic because a single stage MOS
amplifier obtains the biggest part of its voltage gain by using a high
output impedance

Problem 6.2

A two-stage amplifier using parallel compensation is depicted in Figure
6.2.6. Considering an all-NMOS circuit, with transistors sized
W/L,; ,,=100p/2p. and W/L,=200u/2p, and loaded with C,=20pF,
R,=50K€, compensate the circuit by calculating the values of Cp, Rp.
Also calculate the unity gain bandwidth of the compensated amplifier and
the bandwidth over dissipated power ratio if the circuit is biased at
Vip-Vey=2V. The transistors have Viuy=0.5V and K,=56pA/V* and are
biased with I,=50pA, Iy =Iz=25pA. The internal components are
C,=IpF and R,=IML.



252 OPERATIONAL AMPLIFIERS, THEORY AND DESIGN

Solution

According to Equation (6.2.9), the parallel compensation network should
be designed with

Cp :R1V2C1C2gm]gm2 =

wW. 1 w
=R, |2C.C, |2K,—I,,— |2K,~—2I,.=118pF
1\' 1 2\' NLI 3}2\J NL2 B2 D (6.5.9)

o
R,= | —-8.4KQ
Co8 18 ma2

With this compensation the unity gain bandwidth of the amplifier is,
according to Equation (6.2.10),

fg: gml ngZ :188MHZ (65]0)
2nC, 2nC,

Noting that I =I;, and all transistors operate at the same V¢V,
Equation (6.1.14) can be used to find the bandwidth over power ratio
/
Jo_ 1 =4.7-10'° (6.5.11)
Py 81y /2C C(Vs= Vi (Vsp=Vin)

Problem 6.3

Using the same device parameters and resistor and capacitor values as in
problem 6.2, calculate the Miller capacitor C,, and the Miller zero
cancellation resistor R,, for maximum unity gain bandwidth of the
amplifier shown in Figure 6.2.11. What is the frequency of the dominant
pole?
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Solution

Since the relationship between the uncompensated amplifier's poles is
important, with the Miller cancellation techniques the values of these
poles should be calculated first

gm]
=—— =6MHz
f()] 2nC,
P (6.5.12)
m2
= =30MHz
fon 2nC.

2

Noting that f,, < f,,, the attainable unity gain bandwidth will be

1
f5=5f01=3MHz (6.5.13)

and the corresponding Miller capacitor value becomes

ng ngZ
Cpy=——=——=10pF (6.5.14)

according to Equation (6.2.22). The Miller zero cancellation resistor
results from Equation (6.2.24) which states the value of the Miller zero
frequency

1
RMﬁg—Zl-3K9 (6.5.15)
ml

The dominating pole frequency produced by Miller compensation
becomes

fi=——=—— _=426Hz (6.5.16)
Ay 8mako8 iR,

The bandwidth over power ratio for this amplifier is



254 OPERATIONAL AMPLIFIERS, THEORY AND DESIGN

/
Jo_ 1

=1.7 . 10"  (6.5.17)
Ps 8u(C+2C)(V, =V, )(Vep =V

Problem 6.4 e

The three-GA-stage amplifier in Figure 6.2.16 is designed with NMOS
transistors sized W/L;, ;,=100u/2n,  W/Ly, ,,=10u/Ip, and |
W/L,=100p/lp  biased at I;=21,,=50pA, I,=213,=20uA, and ?
I;;=50uA. The internal nodes are loaded with C;=0.5pF, R,;=300K0,
C,=IpF, R,=200K{) while the output is loaded with C,=I0pF,
R,;=100k£2. Calculate the nested Miller compensation network, the unity

gain bandwidth frequency and the dominant pole frequency. The NMOS
devices have Vi;,y,=0.5V and K, =56pA4/V".

Solution

The zero-dB bandwidth f”,, of the Miller compensated intermediate and
output stages should be, according to Equation (6.2.30),

2KN—ZZIB ,
Em 6.5.18
fé:lf{:l 1 _1 \ | -6MHz ( )
2 22nC, 2 2nC,
which takes a Miller capacitor C,,; sized
ng ngZ
Copy=——=——~1.3pF (6.5.19)

onf, Anf,

The unity gain bandwidth of the nested Miller compensated amplifier will
be half f7,.

1
f§/=5f6=3MHz (6.5.20)
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which needs a nested Miller capacitor Cy,

gm3 gm32
Cyp=—=——,=10pF (6.5.21)
2nf,  Anf,

The dominant pole frequency is obtained by combining Equations
(6.2.34) and (6.2.35)

4 "
3 ——fi = fo ~70Hz (6.5.22)

AvO 8 m32R3g m22R2g ml R 1

Problem 6.5

A multipath nested Miller compensated amplifier designed with the
schematic shown in Figure 6.2.18 and using NMOS transistors sized
W/L;; 5,=W/L3; 5,=100p/2p, W/Ly; ;,=10p/Ip and W/L,=100p/Ip 18
driving a load capacitor C,=I10 pF with an output impedance of
R,=100K. The biasing currents are Ly =17y =20 p3,= 2l 55, =50uA,
I;,=2I5,=20uA and I;=50 pA. The internal nodes are loaded with
C,=0.5pF, R;=300KQ C,=IpF, R,=200K(. Calculate the nested
Miller compensation network C,, and C,,. The NMOS devices have
Vo =0.5V and Ky=56pA/V".

Solution

The zero-dB bandwidth [, after first compensation with Cy,

ZKNZVKIBI

Em 6.5.23

fo fl ! 11\ L -6MHz ( )
221C, 2 2xC,

which in turn makes the Miller capacitor Cy, to be
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gm32 ginT34
Copy=——=——=1.3pF (6.5.24))
2nfy 4nf,

Because of the existing multipath, the overall unity gain bandwidth will
F//=fh=6MH; (6.5.25)

be equal to f', after the second compensation by C,,,
which according to Equation (6.2.42) needs a Miller capacitor C,,,

gm3l ng32
5, ~10pF (6.6.26)
2nf, 4nf,

Cin=

The dominant pole frequency is given by Equation (6.2.43)

// 1/
4
f/zﬁz fo =140H7 (6.5.27)

Avy &mr3aRs8,22808 iR,

In order to obtain a phase margin larger than 55 degrees, the condition in
Equation (6.2.44) should be checked

1 1 1
ng:_z—ngZ:Sl/J'A/V < ggm}?:gng34:62'5ﬂ'A/‘ (6528)

Simulation Exercise 6.1

The three-GA-stage operational amplifier in Figure 6.5.1 is shown in a
setup for AC differential gain simulation. The amplifier is Miller
compensated by Cg and C,. Remove the Miller capacitors and simulate
the circuit to calculate the phase margin, unity gain bandwidth and
dominant pole frequency, then repeat the previous step with the Miller
capacitors in the circuit. Considering the fact that some transistor models
do not model accurately the moderate inversion region of a MOS device,
resize the transistors to place them in strong inversion by checking the
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Vs Vi 10 be at least 0.2V. Considering a threshold voltage variation of
40mV (the actual V,, variation can be calculated dividing this value by
transistor width) for all devices, compensate the amplifier for 60 degrees
phase margin in the worst case combination of the mismatch mentioned
above.

2 Vsp

Mg

|
1
L =16u

W=300u
Cy

b

1p

100k 10p

+
Voo
Ve () Wag

dlos * LG
0.5p

s
100u
ALY

Rs To= By
1
500kl 100u ? L 6 som[l]

Fig. 6.5.1:  Three-stage Miller compensated amplifier
Simulation Exercise 6.2

The operational amplifier shown in Figure 6.5.2 can provide a large DC
gain due to the dual input stage. Compare the gain and phase character-
istics of this amplifier with the ones from the previous exercise, after
removing the Miller capacitors in both circuits and after making the
output stage transistors M, of equal size W/L,=300/1.6. The three-stage
gain characeristic is now shown by the results from the previous circuit
and can be compared with the results for the multipath version. Add the
Miller capacitors and compare the two results again. Note the bandwidth
increase for the multipath circuit.
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2 Vsp
500
e
Ms

"
Ms l o
ez L=2y 1p
W=2000  W=200u

ALY

Fig. 6.5.2:  Multipath nested Miller compensated amplifier
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¢« 7. DESIGN EXAMPLES

We have made a classification of Operational Amplifiers in Chapter 6.
Nine main topologies have been listed as in a periodic system.

Nine overall topologies

For a good input stage only the GA type is suited, as shown in Chapter 4.
For level-shift or intermediate stages there are two possible types, the
CM or CF (both denoted as CF), and the GA stage, as shown in Chapter
6. Three push-pull output stages exist, the fully VF, VF/GA, and fully
{ GA stages, as shown in Chapter 5. The combination of these possibilities
' create two two-stage configurations without a push-pull output stage, six
three-stage configurations, and one multistage configuration with four GA
stages or more. These nine main topologies are inventoried again in Table

7.1.
Configuration Input Level-shift or Output
number stage Intermediate stage
stage ,
1 GA CF -
2 GA GA -
3 GA CF VF
4 GA GA VF
5 GA CF VF/GA
i 6 GA GA VF/GA
7 GA CF GA
8 GA GA GA
9 GA GA + GA GA
Table 7.1: Classification of nine main overall topologies for Oper-

ational Amplifiers

We will give practical examples of each of these nine overall topologies

|
|
!
|




262 OPERATIONAL AMPLIFIERS, THEORY AND DESIGN

in the following nine paragraphs and end with conclusions. We will see
that the first configuration is mainly useful for capacitive loads.
Configurations 3 through 6 are mostly useful in bipolar technology.
While the configurations 7 through 9 are particularly useful for low-
voltage CMOS technology, but may also be used in some low-voltage
bipolar and BiCMOS applications.

7.1 GA-CF Configuration

The most simple topology for an Operational Amplifier is the GA-CF
configuration.

Operational Transconductance Amplifier (OTA)

The simple class-A complete general OpAmp is called operational
transconductance amplifier (OTA). The OTA has besides the GA-input
stage, a current-mirror (CM) or a folded-cascode current-follower (CF)
stage for providing an output-voltage swing independent of the CM input
voltage. This type of amplifier is mainly used to drive capacitive loads
C,. The transconductance, which is provided by the GA input stage, is
too low to provide a large DC gain with a resistive load R;. A typical
structure in bipolar technology is shown in Fig. 7.1.1.a.

The OTA of Fig. 7.1.1.a has a transconductance G, equal to the
transconductance of the input stage g,, which is proportional to the bias
current I,,. The series connection of the two emitters of the input stage
halves the transconductance of the input transistors g,,, The current
mirror Q,; Q,, doubles the transconductance again, so that G, of the
whole OTA equals that of one of the input transistors g, ,. The emitter-
area ratios have been chosen such that all transistors have a quiescent
current of ;.

With V,=kT/q the total G,, becomes:

m
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Gm:gm/:gm,f%]‘ (7.1.1)
T
2 Vsp
KQ12
Vout
Fir

*‘%014
2 Vs

Fig. 7.1.1.a: Class-A Operational Transconductance Amplifier (OTA)
with GA-CM configuration

Avo

T

|Av]
(dB)

fo

0
\\n f (Hz) —>

Fig. 7.1.1.b: Frequency Characteristic of the GA-CF configuration
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The limiting pole frequency f, results from the mirrors. Their transit
frequency f, is half that of a single transistor f7 because of the double
base-emitter capacitor 2c,, parallel to one diode resistor r,=1/g,. The
PNP transistors usually limit the bandwidth by their low f7. So the
limiting pole frequency f; is:

1
fi= = (7.1.2)

The load capacitor C, must be so large that the zero-dB frequency f, lies
a factor 2 below f, for a 60 degrees phase margin:

m 1, 1
:.—S.—_ ~
fo 2, 2f, 4pr (7.1.3)

The dominating pole frequency f, is:

(p—
2 2R, C, (7.1.4)
The DC voltage gain is:
Ay=G R, (7.1.5)

The GA-CM configuration is often used without load resistor R, to drive
a capacitive load.

The maximum obtainable gain without R, is limited by the parallel (h
output resistance r, of the PNP and NPN current mirrors % r,, and
r

cen®




7. DESIGN EXAMPLES 265

1
2

1 1
rcen) = szrce: —H (7 1. 6)

1
A, =G R =G | —r_ |
Vom m o m( 2 cep 4

The value of p=g,r,=r.,/ry may be of the order of 10’ or 60dB. When
we would have cascoded the output stage with bipolar transistors, the
output impedance r, will be limited by the collector-base resistance
¥, =Pr,., and the maximum obtainable gain would become:

1 1
A VoM :Gm(rcbp ” rcbn)z Gm_ircb = Eﬁ [ (7 1 7)

Folded-Cascode Operational Amplifier

To obtain a high output impedance in CMOS, a cascode stage may be
placed straight on the input pair as will later be discussed with the
telescopic cascode of Fig. 7.1.3, or a folded cascode may be placed in
cascade as shown in the circuit of Fig. 7.1.2.a and b.

The CMOS folded-cascode amplifiers of Fig. 7.1.2.a and b also have a
transconductance G,,=g,,, which is twice the value of half the g, , of an
input transistor because of the mirror-connected transistors M,,, M,,. The
W/L ratios are chosen such that all current-source transistors M;, M,, and
M, have currents equal to Iy, This provides a maximum symmetrical
output current at a minimal supply power. The transconductance of the
whole amplifier is:

21,
G, :8,,11,2:K(Vcs*Vm):\ﬂKfm:(V—~— (7.1.8)

. GS ™~ VTH)
with: K= wC, WIL

The limiting pole frequency f, results from the folded current follower
M,, and mirror M,,, M,,. The transit frequency of the N-channel mirror
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f,=% fpyroughly limits the bandwidth:

1
fJZEfTN (7]9)
21g)| 21g) s & Var
o " ey g Dvey
M15-:“ M16L’=
Vins gm1_\§] Vin- B Vout
2w, w2 Mg _iCL
Mg {|-——I Rp
Ia{ Ig I pu| I
@ +
Y
M11:“——I[:M12 I§1 CD_ B2
318* +SIB
Vs

Fig. 7.1.2.a: Class-A Folded-Cascode Operational Amplifier with GA-
CF configuration

The load capacitance C, must be large enough so that the zero-dB
frequency f, lies a factor 2 below f:

gm] 1
<

fo7 mC, 2

fﬁ%fﬂv (7.1.10)

The dominating pole frequency f, is:
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1
2nR CL

f= (7.1.11)

The maximum DC voltage gain (without load resistance R;) is limited by
the parallel ( “) output resistance R, of the cascodes M,, and M,, and can
be estimated at R, =y, d512||M16r w18 V2 b Ty

1 1
AVOM:GmRozngIMr(Is:EHPMN (7]]2)
I Vep
2IB+ IB+ *IB

Msj| [g—liMm @Ié1 <2V81
M17j|—“|[: Mg

l |
Vin+ Im1 Vin—Mﬁ‘):]E Mm—“ Vout
g_IENH M2§i|—¢ CL
Mz |l— mll R
Is| o el L
+
1 ml —1|[_|7 <>VB2
M“:l Myp ! My ! '[:Mm -
2IB$ +ZIB

FVan

Fig. 7.1.2.b: Class-A Folded-cascode Operational Amplifier (OpAmp)
with GA-CF configuration and the current-mirror connec-
tion at the P-channel side

The value of p, or uy for P-channel or N-channel CMOS transistors may
vary from 10 to 300, depending on the chosen W/L ratio and on the
current level.
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The additional noise and offset caused by the folded cascode with mirror
connection in the bottom of the folded cascode CF stage can be reduced,
as well as its supply power, by making the mirror connection at the top as
shown in Fig. 7.1.2.b instead of at the bottom. This will be explained
below.

Usually, the mirror connection is chosen at the bottom of the gates of the
lower N-channel transistors M,; and M,, as in Fig. 7.1.2.a. This gives the
highest frequency response because the gate capacitors of the N-channels
are smaller than that of the P-channels. The P-channel transistors are
usually chosen three times larger to compensate the g, for a three times
lower mobility. With the current mirror connected at the lower side, the
current sources M,, and M,; must provide two times the bias current of
one input transistor, or one time the bias current of the tail-current
generator M;. As a consequence, the mirror-connected transistors M;; and
M,, must carry three times the bias current of one input transistor. Only
then can the maximum positive and negative output current, equal to two
times that of one input transistor, be provided at the output to the load.

But, if we choose the mirror connection at the upper side as in Fig.
7.1.2.b, the current sources M;, and M;, have only to provide two times
the bias current of one input transistor. Now, the branches and current
mirror transistors carry only one times the bias current of an input
transistor. This does not prevent the output from providing the maximum
positive and negative current of two times the bias current of one input
transistor. The lower currents in the transistors of the folded-cascode and
mirror stage allow them to be chosen with a lower W/L ratio at the same
limits for saturation voltages. The lower bias currents and the lower W/L
ratios result in a substantially lower g, of the transistors M,,, M,,, M,,
and M,; and hence their lower current noise and offset contribute less to
the input noise and offset voltage of the input stage.

Telescopic-Cascode Operational Amplifier

In cases where the common-mode input voltage range need not be large,
for instance in an inverting integrator (see Fig. 3.5.5), a telescopic
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cascode may be used instead of a folded cascode output stage. This
OpAmp is shown in Fig. 7.1.3.
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Fig. 7.1.3:  Telescopic cascoded Class-A Operational Amplifier with
GA-CF configuration

A very important feature is that the telescopic OpAmp only needs half the
supply current of the folded version for the same maximum output
current and G,,. Moreover, the extra noise and offset of the extra currents
sources in the folded cascode stage are not present here. A disadvantage,
though, is that the minimum supply voltage is one saturation voltage
higher than that of the folded version. For the folded version of Fig.
7.1.2.a the minimum supply voltage is:

Ve=Vor-Vox=Viider1 T Viaurs+ Vears7» While the minimum supply voltage for
the telescopic version i8S Ve=V o+ V., 2+ Vi3 4+ Viowes- Moreover, the
common-mode input voltage range of the telescopic version can not
include the negative rail voltage at all. Nor can the common-mode input
voltage cover much of the output voltage range.
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Feedforward HF compensation

The main advantage of the preceding simple GA-CM or CF circuits is
that the zero-dB bandwidth lies only a factor 4 below the f, of the
transistors. Ways to improve the bandwidth are based on bypassing the
mirrors or cascodes by an R, Cy all pass network [7.1] [7.2]. This
eliminates the PNPs from the HF path in the OTA in Fig. 7.1.4 so that
the limiting pole frequency f; is equal to % fy of an NPN mirror. Note
that the HF feedforward network has been crosscoupled to match the
negative transfer of the mirrors.
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Fig. 7.1.4: OTA with GA-CM Fig. 7.1.5: Folded-cascode am-

configuration and a crosscoupled plifier with GA-CF configuration
HF feedforward network Rg,Cp, and a straight HF feedforward
and R,Cy; network Ry, Cy; and R;,Cp,

Moreover, the HF feedforward network provides a direct HF path from
the collector of Q, to the output without a limiting-pole frequency. This
same HF path, but not crosscoupled, is provided in the folded cascode
amplifier of Fig. 7.1.5. The partly elimination of the dominating pole
makes that the zero-dB bandwidth f, may approach % f;, or even f, by
the HF-bypassing of the internal connection. Note that the elimination is
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only at one half and that the output load also influences the existence of a
pole-zero doublet in the frequency characteristic.

A disadvantage of the simple circuits of Fig. 7.1.1 and 7.1.2 is the
relatively low transconductance G,, and DC gain 4,,. Many approaches

have been made to increase the G,, or Ay,. Some of these approaches will
be discussed in the following sections.

Input voltage compensation

The most important attribute of an input stage is its transconductance g,,.
Bipolar transistors provide the largest g, at a certain quiescent current in
nature. Their g,=I./V; with V;=kT/q is determined by the Boltzmann
statistics for distribution of charge carriers in a semiconductor. There is
no motive for charge carriers in a junction to react more sensitively to a
voltage than according to the Bolzmann statistics law. Tunneling or other
quantum effects may break this law. Yet, there is a demand to improve
the g,, without enlarging the quiescent current. A network approach to do
something is to compensate one source or emitter resistance with another
of the same value but with a negative sign by positive feedback. A basic
circuit is drawn for a bipolar and CMOS circuit in Fig. 7.1.6 and Fig.
7.1.7 [7.3].

The cross-coupled transistors Q; and Q, create a positive feedback loop.
The currents of Q; and Q; are equal to I, and those of Q, and Q, equal
to I, if we disregard the base currents. This means that the base emitter
voltages of Q; and Q; are equal: Vg, =V, and even so those of Q, and
Qs Vpg;=Vie,. The sum of the base-emitter voltages of Q, and Q, are
equal to the sum of those of O, and Q;. Hence the input voltage appears
unattenuated across R; and R,. If R; and R, are chosen zero, the circuit
may oscillate uncontrollably due to parasitic capacitances. The value of
1/R;, may not be chosen larger than 30 times g,,,=1/r,;, to insure
stability. With non-zero R; and R, the transconductance G,, is:
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Fig. 7.1.6: Bipolar input stage Fig. 7.1.7: CMOS input stage
with enlarged g, by compensa- with enlarged g,, by compensation
tion and W/L; , < W/L,,

ji—ﬁ Vin+

Note that the input stage does not inverse the signal like it does in a
conventional input stage. This effect appears as a negative value of g,
The positive feedback in Q;, does not work above the transit frequency
fr of the transistors, so the bandwidth cannot be increased by this
method. But the g,, at lower frequencies can be enlarged by a factor 30,
and so can the voltage gain 4,,,.

The CMOS circuit can also be kept stable by series resistors. But by
choosing the W/L;, ratio of M;, M, smaller than W/L,, of M;, M, the
stability may also be assured:

Al 1 WIL, ,

out _ _ | - (7.1.14)
gm],2 W/L3,4

Em™
Vin l/g ml2 llg m3,4




7. DESIGN EXAMPLES 273

When W/L; , equals W/L, , the circuit is uncontrolled. We may not choose
WI/L; , less than 5% smaller than W/L, , to assure stability over variations
in transistor parameters. This means an increase of g,, of 20 times.

Input class-AB boosting

Many approaches have been made to improve the slew rate and settling
time of the GA-CM configuration by using a class-AB input stage. Its
output current may be much larger than the quiescent current. A first
approach is shown in Fig. 7.1.8.a [7.4].

The input pair M; M, is cross-coupled with the complementary pair M,
M,. Transistors M, and M, serve as level shifters. The translinear loop
through M;-M, biases the transistors in class-AB as shown in Fig.
7.1.8.b. A slew rate has been reported of 80V/usec at a supply-power
consumption of /mW.
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Fig. 7.1.8.a: Class-AB cascode Fig. 7.1.8.b: Transconductance
current-mirrored (CCM) amplifier of the class-AB input stage
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A disadvantage of the above circuit is that it needs a supply voltage larger
than three diodes and two saturation voltages. A circuit that can function
at one diode and two saturation voltages is shown in Fig. 7.1.9 [7.5].
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Fig. 7.1.9.a: OTA with class-AB Fig. 7.1.9.b: Transconduc-
biasing tance of the class-AB OTA of
Fig. 7.1.9.a

The first input stage M,, M,, drives its own tail current through M;s M,
M,, and also drives the output transistor M;. The second stage M, My,
does the same and drives the output transistor M,. When the first stage
has a negative input voltage the tail current boosts itself with the output
current.

The current in M,, increases strongly, while the current in M,, stays
nearly constant. In this way much larger signals can be processed than the
quiescent current. The class-AB boost has a stable loop gain independent
of the device dimensions and bias currents [7.5]. The P-channel
transistors have a W/L ratio three times larger than that of the N-channel
transistors to compensate the g, for a lower mobility u. The output
transistors M, and M, are scaled Bx to provide a large output current. The
ratio between maximum output current I, and quiescent current [, is
limited by the supply voltage available to M,; and M, according to
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1% %

2
V Vo,V
ﬂl[ 1 +M] (7.1.15)
GS1121 Y TH

The circuit was used to drive a large capacitive load at a reasonable slew
rate and settling time.

Many other approaches to class-AB input stages have been made to
combine a low quiescent power consumption with a high current drive
capability, slew rate, and settling time.

Voltage-gain boosting

The open-loop low-frequency voltage gain of the GA-CF Operational
Amplifier of Fig. 7.1.2.a and b can be increased by voltage gain boosting
[7.6] [7.7]. The idea is to boost the voltage gain of the cascode transistors
M,, and M, by measuring their source voltages and regulating them at a
constant value by actively controlling their gate voltages. The circuit is
drawn in Fig. 7.1.10.

The amplifier without gain boosting had a voltage gain according to
(7.1.12): Aypy=" p,p,. This gain is now boosted with the voltage gain of
the differential amplifiers M,,, M,, and M;,, M;,, which is %g,r, =% up
or % p, multiplied by the voltage gain of the folded cascodes M5, M;;,
which is u, or up. The total DC gain then becomes:

1 22

AVOM:Z#p#n (7.1.16)

A voltage gain has been reported of 90 dB in combination with a zero-dB
frequency of 116 MHz at a load capacitor of 16 pF and a power
consumption of 52 mW [7.6].
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Fig. 7.1.10: Voltage-gain boosting in a Class-A GA-CF Operational
Amplifier

Conclusion

The GA-CF configuration has a high bandwidth f,, with a value in the
order of a factor 4 lower than the transit frequency f; of the transistors.
The limited g, and the class-A biasing makes that no significant resistive
loads can be driven at a reasonable gain. The main application of this
type of Operational Amplifier is to drive capacitive loads, as in integrator
filters, switched capacitor filters, and sample and hold circuits. A
capacitive load does not endanger HF stability, but improves it.

We have seen that the GA-CF configuration can be improved in various
ways. Feedforward compensation can improve the bandwidth by a factor
2. Class-AB biasing of the input stage results in a high slew rate and fast
settling. Transconductance compensation with an equal but negative value
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results in a higher low-frequency g, but no larger bandwidth. Voltage
boosting may greatly enlarge the DC voltage gain with pure capacitive
loads.

The GA-(CM or) CF configuration will further be used as a basis for the
GA-CF-VF configuration in Chapter 7.3.

7.2 GA-GA Configuration

The GA-GA configuration is the first step to profit from a second trans-
conductance gain factor after the input stage. As a result, resistive loads
R, can be driven at a reasonable voltage gain, besides capacitive loads C,.
A direct consequence of two cascaded GA stages is that we have two
poles and that one pole has to be compensated by an HF compensation
network, which is often a Miller capacitor.

Basic bipolar R-R-out class-A Operational Amplifier

A basic GA-GA bipolar operational amplifier is shown in Fig. 7.2.1.
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Fig. 7.2.1: Basic bipolar R-R- Fig. 7.2.2: Improved basic bipolar
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ration in bipolar technology ration in bipolar technology



278 OPERATIONAL AMPLIFIERS, THEORY AND DESIGN

The frequency characteristic of the basic GA-GA bipolar operational
amplifier of Fig. 7.2.1 is given in Fig. 7.2.3.

Fig. 7.2.3:  Frequency characteristic of the GA-GA Operational
Amplifier of Fig. 7.2.1

The limiting pole frequency with the highest specified load capacitor C,
and the tranconductance g,,; at Q,; is roughly:

/ gm}

f]z

(7.2.1)

L

The zero-dB bandwidth f', must be chosen half f’, for a 60 degree phase
margin by choosing the right value for C,;:

Em 1 1 &n

21C,,, 221C,

(7.2.2)

The value for C,,; must be chosen at a value:
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C I
Czwzzgmz“_L:CL_T2 (7.2.3)

mli Bl
The voltage gain of the amplifier is:
Avo=8m BriR, (7.2.4)

The maximum voltage gain obtained without R, is:
. 1
AVOMNngBlI(rcellllrceIZ)NZBu’ (7.2.5)

The dominating pole frequency without R, is:

f/
fr=—

(7.2.6)

VOM

We have now roughly dimensioned the Operational Amplifier of Fig.
7.2.1. We are better to choose the current I, through Q,, equal to the tail
current I, of the input stage. In that case, the base current of Q,;, which
loads Q,,, compensates the offset of the base currents of Q,; and Q,,,
which loads Q,,. This choice is also close to the optimum for a maximum
bandwidth over power ratio as expressed in (6.2.27). Because of this
choice the value for C,,; must be equal to C;, as follows from (7.2.3).

Improved basic bipolar R-R-out class-A Operational Amplifier
Now we will try to improve the basic amplifier of Fig. 7.2.1 as shown in

Fig. 7.2.2. The main improvement is to use a Darlington second stage.
This enlarges the gain by roughly a factor f,, to:
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Ayo=8,P 1B R, (7.2.7)

The extra Darlington transistor Q,, also requires some extra measures.
An important consequence is that there is the extra pole frequency f;, in
the Miller loop at the emitter of Q,,, which is loaded by the base-emitter
capacitor C,,;; of Q,,. Its frequency is f,,=1/(ry,;;+¥.2) 27C,,;;. In 1975
James Solomon touched this problem in his famous OpAmp tutorial
[7.10]. To place this pole frequency f,, at least at f', the current through
Q,, must at least be I,=I,, f')/fr;=15C,.,/C,, and the bulk base
resistance r,,;; of Q,, must be made small by a fingered structure of the
emitter of Q,,.

To eliminate the extra phase shift by the right-half-plane zero
[, =8./27Cy; (6.2.24), a resistor R, is placed in series with C,,. Its
value is chosen such that the feedforward path through C,,, is canceled by
the g, of O,

Ryi=r o117 18, (7.2.8)

To balance the asymmetrical load current iy, at one side of the input
stage, an equal load iz,, of the Wilson mirror transistor Q,, is used at the
other side. The bias currents through Q,, and Q,, must be equal to
prevent an induced input voltage offset. To further prevent the full offset
and noise of Q,; and Q,, being added to the input offset and noise voltage,
the emitter resistors r,,; and r,, of these transistors have to be
degenerated by R,; and R,,.

Basic CMOS R-R-out class-A Operational Amplifier

In CMOS the situation is different. The voltage gain of the basic circuit
of Fig. 7.2.4 is:

Ayor=8 m2(2r as2217, ds24)gm1RL:M2g miL (7.2.9)

The maximum voltage gain without R, 1S p, y,.
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Improved basic CMOS R-R-out class-A Operational Amplifier

The current gain can not be improved by a Darlington, but the voltage
gain can be enlarged by cascoding the output transistors.

This is shown by the circuit of Fig. 7.2.5.
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Fig. 7.2.4: Basic Class-A R-R- Fig. 7.2.5: Improved Class-A R-R-
out GA-GA configuration in out GA-GA configuration in CMOS
CMOS

Inserting the cascodes M,, and M,; improves the maximum voltage gain
without R, with a factor u;:

A yor=tofh s (7.2.10)

With CMOS low-capacitive loads are often applied. This increases the
influence of C,, and its corresponding right-half plane zero f’,, as
discussed with (6.2.28).

To solve this problem we have connected the left-hand side of C,, to the
cascode transistor M,, of the mirror. This cuts the feedforward path so
that f', is eliminated. To further eliminate a pole-zero doublet in the
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frequency characteristic caused by the limited g,,, of M,,, a balancing
capacitor C,=C,, can be connected between the other cascode transistor
M,; and the negative rail, or ground. The voltage to which C, is
connected becomes the reference voltage of the Miller integration at high
frequencies.

The connection of C, to the cascode transistor M,, introduces a voltage
gain C,,/C, in the Miller loop, with C, as the parasitic capacitance at the
gate of M,;. This loop consists of three poles, one at each output of M,,,
M;;, and M,,. The pole at the gate-source capacitance C, of M,, domina-
tes. If the HF stability of the loop is insufficient, C, can artificially be
enlarged.

If we had not used the cascoded current mirror to connect the left-hand
side of C, but rather a separate folded cascode chain in parallel to the
input stage as in Fig. 7.1.2.b (which has often been done to lower the
minimum supply voltage from 3V, +1Vy to 2V, +1V,, [7.8]), all
offset and noise of this chain would be added to the input voltage. To
lower the additional noise and offset of M,;, M,, these transistors must
have a low g, at a low W/L ratio in relation to those of the input pair.

Conclusion

The bandwidth /', of the GA-GA configuration with Miller compensation
lies roughly a factor 2 below f', of the GA-CF configuration at the same
bias current. This is caused by the fact that we have to stay away by a
factor 2 from the zero-dB frequency of the Miller loop gain for a 60
degrees phase margin. The main advantage of the GA-GA configuration
over the GA-CF one is a f or @ increased transconductance of the
bipolar or Darlington bipolar circuit, and a u improved transconductance
of the CMOS circuit. This helps keeping the voltage gain high with
resistive loads.

The GA-GA configuration will further be used as a basis for the descripti-
on of the GA-GA-VF configuration in section 7.4.
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7.3 GA-CF-VF Configuration

The lack of a reasonable transconductance of the GA-CF configuration of
Chapter 7.1 and the reduction of bandwidth of the GA-GA configuration
of Chapter 7.2 makes us look to the combination of the GA-CF con-
figuration with an output VF buffer for a larger current gain, while
maintaining as much of the high bandwidth of the GA-CF topology as
possible.

High-Speed bipolar class-AB Operational Amplifier

An example of a high-speed bipolar circuit is shown in Fig. 7.3.1. It has
a class-AB VF output stage with folded Darlington transistors [7.9].

The current gain f,4, of this VF stage is linear and fairly symmetric
because each push and pull path has an NPN and a substrate PNP
transistor in cascade, the total transconductance is:

gmtot :gm_?Bnﬁp :gm.?BZ (7 3. ])
The limiting pole frequency f; lies at the output, and has a value of:

f- Emi 2gq Iy,
""2nC, 2nCkT =nC,V,

(7.3.2)

Wlth gm]:gmll +gm]2'

The two transconductances of the output transistors g,,; and g,;, are in
parallel to each other. This helps to keep the quiescent current I, a factor
2 lower for a certain bandwidth than with a single VF transistor.
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Moreover, the phase shift of the VF output stage is reduced by the feed-
forward path of its base-emitter capacitances. This means a zero in the
left-hand plane at the f; of these transistors. We do have to keep the bulk
base resistors 7,, low by a fingered layout of the emitter. The zero-dB
bandwidth f’, of the whole amplifier must be chosen again at half of fi
by the choice of C,.

IBI
e 2 c 2f1 4nC “2mC,V, (7.3.3)
28m3
Cp:CL (7.3.4)
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Fig. 7.3.1:  High-speed GA-CF-VF configuration with a class-AB
folded Darlington output stage
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The quiescent currents through the Darlington transistors @;; and Q,,
should be at least Iy;;>Ily;, C,,;,/C,, and Iy 21y, C,,,/C,, to avoid a
second limiting pole in the Darlington output stage, with I, and I, the
bias currents of the output transistors Q,; and Q,,, respectively.

A disadvantage of the class-AB VF output buffer is that its non-linear
diode voltage characteristic is outside the grip of the compensation
capacitor C,. Therefore, at high frequencies below f',, where the exter-
nal loop gain is low, the distortion will be relatively high.

Another disadvantage of the Darlington VF output buffer is that it might
peak or even oscillate at high frequencies when the amplifier is heavily
capacitively loaded. Solomon calls this the output bump [7.10]. The
situation is depicted in Fig. 7.3.2.

B Vsp

ZVsN
Fig. 7.3.2:  Frequency peaking of the VF Darlington output stage

The PNP output emitter follower O, shows a negative input conductance -
G,=2nf*C,/fr,. While the Darlington emitter follower Q, shows an
inductive output L=Ry,/27f,. Together with the interstage capacitor C,
the circuit gives rise to a resonance LC circuit at a resonance frequency
of fp=(]/27r)/LCp with a poor damping. The effect is shown in the
amplitude characteristic of Fig. 7.3.3. The design parameters must be
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chosen such that the top of the peak remains sufficiently below 0 dB, by
choosing a fingered layout for the emitter of Q, to lower Ry,.

The input and folded-cascode stages have been sufficiently described in
Chapter 7.1. It will be noted that into the all-pass current network R.Cy
behind the input stage a parallel resistor R, has been inserted. This is
used to compensate at low frequencies the attenuation caused by the
parasitic substrate capacitors C,,; and C, at the left-hand side of Cy; and
Cr, which take away about 20% of the HF current. The resulting pole-
zero doublet has a value of one or two percent. It is important that the
remaining pole-zero doublet is small as this appears in the overall
frequency characteristic of the whole amplifier and results in a slow
settling component in the step response of the OpAmp.

T

|Av|
(dB) “"’ f)

0 |
\/\ f(Hz) —»

Fig. 7.3.3:  Amplitude characteristic of the frequency peaking ina
Darlington VF output buffer

The turn-over frequency of R,C, must be made more than three times
lower than the f; of the PNP cascode. The bandwidth of the level shift
stage 1s equal to that of the f, of the NPN transistors, loaded with the
parasitic parallel capacitors C,,;, and C,, of the capacitors Cy; and C,,
respectively.

The all-pass network and its pole-zero doublet can be completely elimi-
nated when the bipolar process allows for vertical PNPs with high f.
This is of advantage for a short settling time. A settling time to 0.1% of
100us was reported [7.9] with a slew rate of 375V/u sec., and a GBW of
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60MHz. CMOS versions of the GA-CF-VF configuration have been
made in early years, but the relatively low g, of the VF output buffer
results in a low limiting pole frequency. Moreover, the large voltage loss
across the diodes of the VF buffer makes the CMOS variant less

attractive.
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Fig. 7.3.4:  High-slew-rate Voltage Follower in GA-VF configuration
High-slew-rate bipolar class-AB Voltage-Follower Buffer

A very special simplification of the GA-CF-VF configuration is the high
slew-rate voltage follower of Fig. 7.3.4 with an GA-VF configuration.
Because the input is always connected to the output, there is no need for a
level shift stage. When we replace the compensation capacitor C, with C¢
between the collector and emitter of Q,,, the compensation still functions,
but the slew rate is not reduced by C. because it is bootstrapped with the
CM signal voltage. The slew rate is limited by the parasitic capacitance
Cp.
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An asymmetric slew-rate can be observed in all OpAmps connected as
voltage followers by the effect of the parasitic tail capacitor C, of the
input stage. If the input voltage goes down, the capacitor decreases the
tail current I, and the slew rate decreases. But if the input voltage goes
up, the slew rate increases. The downwards slew rate of the voltage
follower is limited to:

Srdown =1 B2/ (Cp * CT) ( 7.3.5 )

Conclusion

The high bandwidth of the GA-CF configuration combined with a high
bipolar transconductance VF output buffer raises an excellent bipolar
amplifier with an GA-CF-VF configuration. The bandwidth and slew rate
can be chosen high. The settling time is particularly high when the
bipolar process allows for complementary vertical PNPs with high f;, so
that the all-pass network and its pole-zero doublet can be eliminated. But
still a high bandwidth can be obtained. CMOS versions are less attractive
because of the high voltage loss and relative low transconductance of the
VF buffer diodes.

7.4 GA-GA-VF Configuration

Most of the favourite classic bipolar Operational Amplifiers have been
made in the GA-GA-VF configuration. These include the pA741 [7.11],
and many others.

It was about this configuration that James E. Solomon wrote his famous
tutorial study in 1974 [7.10]. It is still a good overview paper about this
type of OpAmp in bipolar technology.
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General bipolar class-AB Operational Amplifier with Miller
Compensation

The general topology is shown in Fig. 7.4.1. It is composed of the GA-
GA circuit of Fig. 7.2.2 and the basic VF output stage of Fig. 5.3.1.a.
Most of the HF behaviour is already described with the GA-GA stage,
except for the addition of the limiting pole frequency of the output stage,
which is described with the GA-CF-VF circuit of Fig. 7.3.1.

In overviewing the HF behavior we have two limiting pole frequencies.
One at the capacitive loaded VF stage:

Emi Iy,

frro— C RO,V (7.4.1)

with: 81 =8mi1 T &miz-

2 Vsn

Fig. 7.4.1:  General class-AB GA-GA-VF configuration in bipolar
technology with Miller Compensation (MC)

And the other limiting frequency at the Miller compensated output of the
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intermediate stage:

foe Emz _ I,
2 2m(C,+Cyp) 2m(C,+Coy )V,

(7.4.2)

Wlth ng :ng] .

When we choose to let the load capacitance set the limiting frequency, f;,
the other one f, must be made at least twice f:

JF322f, (7.4.3)

The zero-dB frequency must be chosen half of f;:

I
f%%ﬁ: 2 (7.4.4)

21C,V,

And the value of C,,, becomes:

8ms _1Irs/2
CMI:”“_,: 7 ¢ (7.4.5)
2nf, ‘B

The parasitic pole in the Darlington pair Q,,, Q,, must be coped with, as
described with the GA-GA stage. The value of R,;, must be chosen
closely to 1/g,,; to eliminate the zero in the right half complex plane
along with its extra phase shift.

An important drawback of the connection of the Miller capacitor to the
input of the VF output stage is that the non-linearity of the output-stage's
voltage transfer is not suppressed by the Miller loop. For that reason a
relatively high non-linear signal component can be found at high fre-




7. DESIGN EXAMPLES 291

quencies where the external loop gain is low. This was also the case with
the GA-CF-VF configuration. However, now we can try to incorporate
the output buffer into the active Miller loop, by connecting C,; to the
final output V,,, (see dotted line in Fig. 7.4.1). Stability of the Miller loop
must now be ensured while the limiting pole frequency f, is incorporated
into the Miller loop. The Miller loop becomes an GA-VF stage in itself,
which must be compensated to:

féf% f (7.4.6)

For this purpose the parasitic capacitor C,, must be artificially enlarged
to:
28, 1
-—"=2C, (7.4.7)

P2 onf, I,

The bandwidth of the whole amplifier must now again be reduced a factor
2 for a phase margin of 60 degrees to:

1
fg:é‘féz:zf 1 (7.4.8)

This leads to a choice of C,,;:

c, 8w Inc

M1~ L 7.4.9
27tf(/) Iy, ( )

Though the external loop gain is reduced by a factor of 2, the loop gain
around the output buffer is roughly increased by a factor C,,,/C,, at high
frequencies. This may be an improvement in the HF linearity of a factor
2 to 10. It must be noted, however, that the slew-rate is reduced with a
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factor 2, according to the reduction of the bandwidth. So, the non-
linearity due to the input stage increases at high frequencies. See also
Chapter 6.4, and [7.33].

pA741 Operational Amplifier with Miller Compensation (MC)

An equivalent circuit of the uA741 Operational Amplifier of Fairchild
[7.10], [7.11] is shown in Fig. 7.4.2.

The VF-CF connected input pair functions like an GA stage, only it is
non inverting (NIGA). The NPN VF pair Q,, Q, reduces the input bias
current by its large current gain B to 80nA at a collector bias current of
10uA. The g, is half that of a regular pair because we have four emitters
in series, instead of two emitters. A common-mode feedback loop senses
the sum of the collector currents of the NPN pair and compares it through
a current mirror Q, O, with the current of a current source Q,,. By this
loop the common-base point of the PNP CF pair Q,, Q, is controlled. In
this way the voltage of the common base point follows the CM input
voltage at the right bias.

|) ’? Vsp
Qé}‘——ﬁog 012%,—16013 Qqa
inverting Q45
non-inverting input
input Qq Qo R~ Re
3 2
C
Q 04 Mé: O18
3/] A H R R Vout
5 8
Rio
Q7
Qi Qoo
Qs Qs Q10‘\J——KQ11 Q47
1 5
offset null Z—— __gorf]fjﬁt Qa2
R1m Rz [’]Rs L]th Ri2 [I]R”

ZVsN
Fig. 7.4.2:  Equivalent circuit of the uA741 GA-GA-VF Operational
Amplifier with Miller compensation (MC)
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The resistors R, and R; degenerate the current mirror load in order to
lower its offset and noise contribution. The DC load current of the input
stage is balanced by equal base currents through @, and Q4 in order to
avoid offset.

The biasing of the output transistors is performed by a current source Q;
and a transistor Q,; connected with R, and Ry as a diode with about two
Ve voltages. The biasing current of the whole amplifier of 70uA is
derived from R;.

A short-circuit current limiting transistor Q,s compares its Vy; with the
voltage across a resistor R, which measures the upper output current. If
the output current is larger than 25mA, the driving of the upper output
transistor Q,, is taken away.

The drive current of the lower output transistor Q,, is limited by
transistor Q,, which similarly measures the current through R;,. The
limited current gain f,, of the lower substrate output PNP Q,, further
limits its current to 25mA.

The intermediate Darlington stage Q,s, Q,, is Miller compensated by C,,
of 30pF. The bandwidth f', is slightly less than 1MHz. The double
voltage compliance V,, . of the VF-CF input stage allows a two times
larger slew rate S, of 0.5V/u sec than eq. (6.3.3) indicates. The double
voltage compliance, on the other hand, increases any input offset voltage

with a factor 2.

The two GA stages in cascade provide an abundance of DC gain 4,
which is in the order of 2.10°.

A well-elaborated realization with a class-AB input stage that provides a
large slew rate is described by Widlar [7.12].

Conclusion

The GA-GA-VF configuration has been made in many variations and
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yealds high gain, medium bandwidth, medium output current, in
apllications where no rail-to-rail output range is necessary. The topology
combines well with bipolar transistors and 1t is a favourite classic OpAmp
solution. The popular uA741 is based on this configuration.

7.5 GA-CF-VF/GA Configuration

When we would like to avoid PNP transistors in the output stage in order
to obtain a high output current drive capability and good HF behavior, we
can apply an all-NPN compound VF/GA output stage and combine it with
an GA-CF configuration.

An in-between approach towards the GA-CF-VF/GA configuration would
be to use the GA-CF-VF configuration of Fig. 7.3.1 in combination with
one of the many semi-complementary compound output stages with
feedforward biasing of Fig. 5.3.8, Fig. 5.3.9, and Fig. 5.3.10, or with
feedback biasing of Fig. 5.4.4 and Fig. 5.4.5.

However, the signal path through the PNP transistor, which is still
present in these semi-complementary compound output stages, impairs the
HF behavior of the lower output transistor and lowers its limiting pole
frequency.

High-Frequency all-NPN Operational Amplifier with mixed PC and
MC

A better approach is to optimally utilize the large current and HF capa-
bility of the NPN transistors in an "all-NPN" GA-CF-VF/GA as shown in
Fig. 7.5.1.

Fig. 7.5.1 shows the combination of the GA-CF-VF configuration of Fig.
7.3.1 combined with the VF/GA output stage of Fig. 5.4.6. The high-
frequency path is made up of only NPN transistors [7.1].
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It is interesting to see how similarly the upper VF output Darlington pair
Q,;, O;; functions in regard to the lower GA output Darlington pair Q,,,
Q,, when both these pairs are driven by current sources from the outputs
of the CF intermediate stages.Their HF transadmittances are 27C,, and
2nC,,,, respectively, are equal if C,;=C,,;. Their HF output impedances
are 1/g,,, and 1/g,,, which are equal if /;;=1,, in the quiescent situation.

" I @ Vgp
R22 R21 <>V821 : |
- - aQ - _J__CP1 ‘ B1
21 =3
Lifve 10w [ o) |
] T A A |
el [el] [
i
Qe Q14
Rrp Qi
—H Vout
Vi, ACr L81| Dys Dis DY |CL
Q32 Qay T Ru
Cmi
T KQM
N Qo | Qs o
in- —‘{ 12
+
@ ¢1T3 Rog Ro3 (2\/822 lBﬁ‘@

B Ven

Fig. 7.5.1:  High-Frequency "All-NPN" GA-CF-VF/GA configuration
with parallel compensation (PC) and Miller compensation
MC)

The sum of the Vg, of Q,, and D,, is measured by Q,s D,s and Q,; D,z and
regulated in a common-mode feedback loop. By this loop the product of
the push and pull output currents is regulated at a constant value, as
explained with Fig. 5.4.6.

The limiting pole frequency f, is set by:
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8w Iy

2nC, nC,V,

f= (7.5.1)

with 8mi=8mi1 +gm]2‘

At a bias current of the output transistors of /,=0.5mA and a load
capacitance of C, =100 pF, the limiting pole frequency is
f,= 60 MHz. The zero-dB bandwidth must be chosen:

1
f3=—2—f \~30MHz (7.5.2)

When we choose a tail current of the input pair of I;;=100 pA, the g,,; of
the input stage is 1/1000 Siemens. The value of Cy; and C,,, must then be
chosen:

gm3
Cp=Chy=——=6PF (7.5.3)

2mf,

The currents must be chosen slightly higher than calculated. At the
output, there is the extra series diode impedance of D;, which lowers the
limiting pole frequency of the lower Miller-compensated output transis-
tor. So, the output bias current must be chosen about 30% larger to
obtain the right g,,;.

The input tail current must be chosen 20% larger to overcome the leakage
into the parasitic capacitors C;,, and Cy,,. These are partly caused by the
substrate sides of the feedforward capacitors Cp and Cp,. At low
frequencies the gain is equally reduced by a shunt resistor R,.

One of the problems of Darlington output transistors is their peaking, as
we have shown with Fig. 7.3.2. This is particularly the case when we
wish to deliver large output currents, i.e. 100 mA or higher. At high
output currents, the output Darlingtons have a parasitic pole in between
the two stages, caused by the emitter impedance of the first transistor and
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the diffusion capacitor Cyz, which becomes large at high currents.

To cope with this the bias current I;; of the first transistors must be high,
and the bulk base resistance of the first transistor low by a fingered
layout.

A general cure is to bypass the first transistor of the Darlington pair for
high frequencies, as is shown in Fig. 7.5.2.

The value of the upper turnover frequency f,=1/2 7 R.Cy, and of the
lower on f,=1/2 7 BR;Cx.

- X

||Bng_ Q1 [3162
Re |
Q, Bolom g

uEu

Fig. 7.5.2:  HF bypassing of the first transistor of a Darlington pair to
cure the HF peaking

The offset and noise of the Operational Amplifier is somewhat degraded
by the offset and noise of the current source resistors R,, through R,, and
the class-AB regular transistors Q,s and Q,,, which add with their current
offset and noise to the equivalent input voltage offset and noise.

Conclusion

The "all-NPN" GA-CF-VF/GA configuration of Fig. 7.5.1 is an efficient
circuit in regard to bandwidth/power ratio, disregarding the diode voltage
losses at the output. It has a large programmable quiescent current range.

The amplifier works perfectly at very low quiescent currents in the order
of 10uA, while the bandwidth depends on the load capacitor. Even at
high quiescent currents of the order of 10mA, without Darlingtons in the
output stage, the amplifier has been used up to 1 GHz in a 50Q source
and load environment [7.13]. However, at a 50Q load and no Darlington
transistors, the voltage gain is restricted to 40-50dB. To provide a larger
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gain we have to insert an GA intermediate stage, as we will describe in
the next Chapter.

The input voltage noise of the amplifier is somewhat degraded by the
extra noise of the current source resistors in the intermediate stage and
the class-AB control transistors.

7.6 GA-GA-VF/GA Configuration

When we want more gain, lower voltage noise and a lower offset voltage
than with the previous GA-VF-VE/GA configuration, it is better to shield
the noise and offset sources of the output stage from the input stage by an
GA intermediate gain stage. We then obtain the GA-GA-VF/GA con-
figuration.

LM101 class-AB all-NPN Operational Amplifier with MC

The design of the famous LM101 was described by Widlar in 1967 as a
monolithic OpAmp with simplified frequency compensation [7.14].
Before that time the architecture of Operational Amplifiers resembled
some of the limitations of the early tube versions. Widlar reduced the
high-frequency compensation scheme to a simple Miller compensation.
Though the output stage principally has a compound VF/GA configur-
ation with all-NPN output transistors Q,; and Q,,, the stage has the
overall function of a semi-complementary full voltage-follower VF stage.
At the lower output side the voltage-follower VF function of @,
dominates, while being boosted by the GA slave-connected transistor Q,;.
At the upper output side we have the folded-Darlington VF pair Q;;, Q.
The total compound stage has earlier been described with Fig. 5.3.10.
The frequency compensation could be reduced to one Miller capacitor Cy,
which has been connected across the intermediate GA Darlington pair Q,
and Q,,. Its frequency compensation has already been described with Fig.
6.2.8. and Fig. 7.4.1.

The input stage consists of a non-inverting general amplifier (NIGA). It
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uses NPN input transistors Q; and Q, with good f for a low input bias
current. These input transistors are connected as voltage followers. The
complementary PNP transistors @, and Q, function as cascodes to the
emitters of the input transistors. The whole functions like a differential
PNP input pair with an input bias current of that of an NPN pair. Only,
the offset voltage is larger than that of a single differential pair because
the offset of the NPN and PNP transistor pairs are summed. The input
stage is biased by the diode-connected secondary collectors of Q, and Q,
in combination with a current source Q,,. These diode-connected sec-
ondary collectors and the primary collectors of Q; and Q, can be seen as
a pair of current mirrors.

&
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|
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Fig. 7.6.1:  Equivalent circuit of the LM101 Class-AB all-NPN Ope-
rational Amplifier with GA-GA-VF/GA configuration and
Miller compensation (MC)

-

7
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These mirrors are biased at the "tail" of the diode connected secondary
collectors by the collector current source of (Q,,. The three-transistor
mirror Qs through @, provides for a single-ended output of the input
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stage. This structure provides for equal early voltages for the output of
the input transistors at Q; and Q, and the mirror load current sources Qs
and Q,. Also, the base current load of Q, is compensated by the base
current load of Q,.

The other transistors provide bias and protection functions. The junction
FET Q,s functions as a biasing resistor to the bias generators Q,, O,y Q,;
Q,,, and the multiple-collector transistor @,,. The input transistors are
protected against reverse base-emitter voltages by the reverse-connected
diodes Q,; and Q,,.

Output current limitation is provided by the resistors R,, and R,, in
combination with the translinear loop of Q,, O,, Q,, O, for positive
output currents and with the base-emitter voltage of Q,; for negative
going output currents. The voltage divider R,, R; in combination with O,
limits the drive current of Q,,. This would otherwise become too large in
regard to the drive current of the upper output transistor Q.. The latter is
limited by the bias current source provided by a collector of Q,,.

The LM101 has a bandwidth of about 1 MHz, and a straight 6 dB/oct
roll-off from a DC gain of 100 dB.

NES534 class-AB Operational Amplifier with bypassed NMC

The classic NE5534 audio OpAmp with GA-GA-VF/GA configuration is
depicted in Fig. 7.6.2.a [7.15]. The input stage consists of Q, and Q,.
The intermediate stage has emitter-resistor degenerated transistors Qg and
Q,; loaded with a mirror Qy;, O, and Q,, at E,. The output stage at the
GA side consists of the Darlington pair Q,;, Q,,, while at the VF side Q,,
is driven by Q,, through the class-AB biasing network D,, Q,; and D;, as
explained with Fig. 5.4.3. A direct HF path for driving Q,, is provided
by the collector connection of @, to the base of Q,,. Transistors Q,, and
0., limit the positive and negative output currents respectively. The limits
are set by the resistor values of R, and R,, respectively. Q,, at E; and Q,
are clipping diodes, preventing the saturation of Q,, when overdriven.

Principally, the NE5534 is a GA-GA-GA configurated OpAmp with a VF

o R 1 A e RS A B
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upper output transistor functioning as a slave. So we can regard this
circuit as a special case of the GA-GA-GA configuration.

78 z5 Vgp
7

Fig. 7.6.2.a: The GA-GA-VF/GA configuration of the classic NE5534
OpAmp
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Fig. 7.6.2.b: Frequency characteristic of the classic NE5534 OpAmp
with pole-zero doublet
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The HF compensation scheme can best be denoted by a capacitive feed-
forward coupled nested Miller compensation. The latter has been
described with Fig. 6.2.16. The inner nest is compensated by C,. The
outer nest is compensated by C;. Capacitor C; is a balancing capacitor for
providing virtual ground to the reference input side of the differential
intermediate stage to prevent a zero in the transfer of the Miller com-
pensated intermediate stage far below its regular zero f,=g,,/27C;.

The nested Miller compensation would have been adequate in itself if the
bandwidth of the intermediate stage with the lateral PNP transistors Qg
and Q;; was not so low.

To overcome this problem a multipath according to Fig. 6.2.18 should
have been used. But instead an HF feedforward capacitor C, has been
inserted between the input and output of the intermediate stage so that this
stage is overbridged at higher frequencies. The amplifier can now be
compensated for a zero-dB bandwidth of 10MHz. However, the
overbridging of the intermediate stage changes the nested Miller
compensation network at high frequencies into a single Miller
compensated output stage, as C; and C, effectively become connected in
parallel by C,. This evokes a pole-zero doubled at 300kHz where the gain
is 30dB in the frequency characteristic of the NE5534, as shown in Fig.
7.6.2.b. This means that the amplifier has a low phase margin, if utilized
at a feedback gain of about 30dB where the roll-off of the amplitude
characteristic is larger than 20dB/dec. This makes the stability tricky in a
tone-control circuit, where the feedback around the OpAmp is variable.
Moreover, a slow settling component will distort the step response if used
at a bandwidth above 300kHz.

Precision all-NPN class-AB Operational Amplifier with NMC

A better approach is to insert an NPN GA intermediate stage into the "all-
NPN" GA-CF-VF/GA configuration of Fig. 7.5.1 and to use a pure
Nested Miller Compensation scheme, as explained with Fig. 6.2.16. The
result is presented in the circuit of Fig. 7.6.3 [7.16].

The input stage consists of Q,, and Q,,,. The intermediate stage has Q.
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and Q,;,. The "all-NPN" level-shift stage consists of Qj,, through Q.
and was explained with Fig. 7.3.1. The all-NPN Darlington VF/GA
output stage consists of Q, Qo and QOsy, Oso- The feedback-biasing
class-AB regulating circuit consists of Qs Qupzs Qsi10 Pozr a0d Opspr Osso
together with the diode-connected transistors Q.,,, Qs Qs and has
been described with Fig. 5.4.7.
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Fig. 7.6.3:  Precision class-AB all-NPN Operational Amplifier with
GA-GA-VF/GA configuration and Nested Miller
Compensation

The Nested Miller Compensation has C,,; as an inner Miller capacitor on
the GA output side, while Cp,; balances C,,, for the VF output side. The
outer nest consists of capacitor C,,, while C,, balances C,, at the
reference input of the intermediate stage. Starting out with a quiescent
current of 2mA through the output transistors Q,, and Qs,, both emitters
have a resistance of r,=1/g,,=V/I=12.562. As both push and pull stages
are in parallel regarding the load capacitor C,=I00pF, we obtain a
limiting pole frequency at the output of:
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- gm]

2nC,

fi ~250MHz (7.6.1)

Wlth g ml = g m400 + g m500°
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Fig. 7.6.4:  Frequency response of the GA-GA-VF/GA configuration
with Nested Miller Compensation of Fig. 7.6.3

The zero-dB frequency f', of the intermediate and Miller compensated
output stage must be half f, to obtain 60 degrees phase margin when the
loop is closed by the second nest. So, with g,,=1/(r0+7.2,) and
C,,;=Cp;, we obtain:

gm2
2nC

M1I

1
fo= < =125MHz (7.6.2)

We choose C,,=C,=6pF at a transconductance g,,~5 mS, corre-
sponding with a tail current of the intermediate stage of Ip,=4
2.2V7r=0,5mA. The overall zero-dB frequency f'', must again be taken
half of f', to ensure an overall phase margin of 60 degrees. So, with
8m3=1/(Vu1op+7.110) and Cyp,=Cp, we obtain:
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v 8m3 1, 1
=_om _ -~ f ~60MHz
Jo 2nC,, 2f0 4f1 (7.6.3)

In this case we choose a relative large capacitor value of C,,=C,,=20pF
for obtaining a low input noise voltage, at a relatively large
transconductance of the input stage g,;~8mS, corresponding with a tail
current of the input stage of I,=4g,V;=0.8mA. The result is a straight
frequency response without pole-zero doublet with a zero-dB frequency of
60MHz, when loaded with a capacitor C, <100 pF, as shown in Fig.
7.6.4, and an input noise voltage of 2nV/vHz.

Precision HF all-NPN class-AB Operational Amplifier with MNMC

Comparing the Nested Miller Compensated GA-GA-VF/GA configu-
ration of Fig. 7.6.3 with the simpler Miller compensated GA-CF-VF/GA
configuration of Fig. 7.5.1, we see an increased low-frequency gain, a
lower offset and noise, but half the maximum obtainable bandwidth under
the condition that the quiescent output currents were chosen equal. The
question arises: is it possible to have the high gain and low noise of the
three-stage amplifier, while maintaining the high bandwidth of the two-
stage amplifier at an equal quiescent current? A feedforward capacitor
which bridges the intermediate stage, as in the NE 5534, results in a
strong pole-zero doublet, as shown with Fig. 7.6.2. So, then the Multi-
path Nested Miller compensation technique (MNMC), as explained with
Fig. 6.2.18, presents an adequate solution. The idea is to have a two-
stage amplifier independently in parallel with a three stage amplifier.
With this topology one can have the best of the two and three-stage
amplifier without strong pole-zero doublets. The resulting circuit is
shown in Fig. 7.6.5, together with its frequency characteristic in
Fig.7.6.6. [7.16].

As with the circuit of Fig. 7.6.3, starting with a quiescent current of 2mA
in the output transistors, resulting in r,=1/g,,=V/I[,=12.54 and a load
capacitance of 100 pF, we obtain a limiting pole frequency of:
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f,=—ig’iz250MHz (7.6.4)
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Fig. 7.6.5:  Precision HF all-NPN class-AB Operational Amplifier
with GA-GA-VF/GA configuration and Multipath Nested
Miller Compensation (MNMC)

The zero-dB frequency f', of the two-stage amplifier through the second

input stage Q,,s5, Q,;s must be half f,, so, with 8mzp=1/(r,10s+7,;;5) and

f=Smsz :%flz 125MHz (7.6.5)

2nCM]

We have chosen Cy,,=C,;, =6pF, and I;,=4 g,;,V;=0.6 mA.
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Fig. 7.6.6:  Amplitude characteristic of the GA-GA-VF/GA configur-
ation with a Multipath Nested Miller Compensation

The overall amplitude characteristic of the three-stage amplifier must run
along with that of the two-stage amplifier. So, with g,5,=1/(F.;00+ 72110
and C,;,=C;,, we obtain likewise for the first input stage:

/ gm31 1
- =~ f ~125MHz
fo 27C,, 2fl (7.6.6)

We have chosen C,,=C,,=1IpF, and I;,=4g,;,V;~0.9mA.

Next we have to choose the g,, of the intermediate stage with Q,,, and
0,,0- According to the reasoning with (6.2.44), by which we argued that
with a unity overall feedback the second input stage becomes connected in
parallel with the unity gain Miller feedback intermediate stage, which
could endanger the phase margin of the inner loop, we have to choose g,,
much smaller than g,;,. This leads to:

8m2<1/38,3 (7.6.7)
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For this reason we degenerated the intermediate stage with emitter
resistor R,y and R,;, of 50042 each, making g,,~=I/mS, which is much
lower than g,,;,~6mS.

1GHz, all-NPN class-AB Operational Amplifier with MNMC

One of the disadvantages of the Darlington all-NPN output stage is that
the upper output voltage range is limited to at least the voltage of two
diodes plus a saturation voltage plus a current-source resistor voltage.

The three-stage GA-GA-VF/GA configuration has enough gain to leave
out the Darlington VF driver transistors in the output stage. An example
is shown in Fig. 7.6.7. It is a 1GHz OpAmp powered at 5 Volt single
supply and loaded with a 50Q) resistive load at a voltage gain of 76dB.
The circuit is almost equal to that of Fig. 7.6.5, except for the single
output transistors instead of Darlington ones. Importantly the class-AB
feedback is now connected in front of the all-pass feedforward network
R;Cy to acommodate class-AB control up to 1GHz. The circuit is fully
described in [7.13].

The 1GHz amplifier has a supply-current consumption of 20mA. But the
bandwidth and supply current can easily be scaled down, while the
resistor values are scaled up. At a bandwidth of 1MHz, the supply
current need only be 20uA.

2Volt Power-efficient all-NPN class-AB Operational Amplifier with
MDNMC

When we do need more gain without losing the extra diode voltage of a
Darlington transistor in the output stage of Fig. 7.6.3, we can take -
another GA driver while adding another nest to the nested HF compen-
sation structure. This is shown in the power-efficient "all-NPN" OpAmp
of Fig. 7.6.8.

In the circuit of Fig. 7.6.8 we easily distinguish, going from left to right,
an GA input stage, an GA intermediate stage, an GA-VF/GA output
stage, and a feedback biasing class-AB regulator. The GA-VF/GA output
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stage includes a Multipath Nested Miller compensation scheme. This
multipath scheme allows the Darlington VF transistor to be replaced by
an GA boost transistor with a current mirror, Q,q,, O, Q1 I the upper
VF half, and Q,,,, O, Q)0 in the lower half to drive the output transis-
tors @, and Q,,, respectively. The primary Miller compensation
capacitors are C,; and C,,. The secondary nested capacitors are C,,, and
Cp,. The tertiary nested capacitors are C,,; and Cp;. Strictly, the topology
is not a three-stage amplifier but a four-stage one GA-GA-(GA-VF)/(GA-
GA). However, the resemblance with a three-stage amplifier is so strong
that we like to place it in this chapter. Only the output transistors and the
drivers have a multipath topology generated in the intermediate stage.
The quiescent current of the whole OpAmp is 0.35mA. The peak load
current is 100mA. The bandwidth is 1IMHz. The output-voltage range
reaches from 0.2V above the negative supply rail up to 1.0V below the
positive supply rail. The supply voltage must be larger than 2V.

Conclusion

We have shown that the GA-GA-VF/GA configuration is ideally suited to
high-quality bipolar OpAmps with an all-NPN topology.

The classic NE5534 with a capacitive feedforward bridged intermediate
stage has a pole-zero doublet in the frequency characteristic.

The Nested Miller compensation provides a straight frequency character-
istic combined with a large voltage gain. The Multipath Nested Miller
compensation allows a two-times larger bandwidth-over-power ratio with
a frequency characteristic having a straight 20dB/dec roll-off.

The bandwidth can be taken up to the GHz range when we take out the
Darlington VF driver transistors. Taking out the Darlington transistors
also increases the effective usable output voltage range. When we cannot
miss the current gain of the Darlington transistors, nor allow a reduction
of the output voltage range, the Darlington VF transistor can be replaced
by another nested GA transistor driver stage. This results in a power-
efficient "all-NPN" output stage.
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Fig. 7.6.8: 2V Power-efficient "all-NPN" class-AB OpAmp with GA-
GA-VF/GA configuration and a multipath double nested
Miller compensation (MDNMC)

7.7 GA-CF-GA Configuration

The demand for lower supply voltages such as 3.0V, 2.0V and eventually
1.0V by very dense VLSI processes with sub-micron gate lengths
necessitates an efficient use of the supply voltage range by the output
voltage range. This can only be accomplished if we use a rail-to-rail
(R-R) GA-output stage, because only then we avoid the loss of one or
more diode voltages. The GA-CF-GA configuration is the simplest way
to obtain this.

Compact 1.2Volt R-R-out CMOS class-A OpAmp with MC

When we do not care about a current-efficient class-AB output stage but
instead can live with a class-A version, the simple class-A compact 1.2V
CMOS OpAmp with an GA-CF-GA configuration of Fig. 7.7.1 results.
Its behavior is comparable with the GA-GA circuit of Fig. 7.2.5, except
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that now we are using a folded cascode stage in between the two GA
stages.
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Fig. 7.7.1:  Compact 1.2 V R-R-out CMOS Class-A OpAmp with GA-
CF-GA configuration and Miller compensation. Compact
1.0V OpAmp without the upper cascodes M,, M,

This enables the input CM voltage to include the negative rail. Further,
we can choose between a direct (with C,,,) or active (through the cascode,
explained with Fig. 6.2.12) (with C,,, dotted) connection of the Miller
capacitor, depending on circumstances, or a combination of both.

P-channel transistors have been chosen for the differential input pair
because the back-gate can be bootstrapped with the common-source
voltage. This has the advantage that the input transistors are purely driven
by the differential input voltage and not that much by a common-mode
input voltage through the back-gates as would be the case with N-channel
transistors. This results in the highest obtainable CMRR (see Chapter
4.3).

The folded-cascode intermediate stage functions in addition to a current
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mirror as a summing circuit for the differential signals from the input
stage.

N-channel transistors are chosen for the folded cascode mirror connection
because they have the highest f7.

To keep the offset and noise contribution of the folded cascodes low, in
regard to those of the input stage, the g, or W/L ratio of the current-
determining transistors in the folded cascodes must be lower than the g,
or W/L ratio of the input-stage transistors. Moreover, the input transistors
as well as the current-determining transistors in the folded cascodes may
have a cross-coupled quad layout to further reduce the offset. The upper
bias current sources M,;, M,, of the folded cascode branches must be
chosen equal to the tail current of the differential input pair to ensure that
the full differential output current of the input pair is available to drive
the Miller capacitors C,,; and C,,,,. This is needed for a maximal slew-
rate.

In respect to noise and offset the GA-CF-GA configuration of Fig. 7.7.1
has a disadvantage over the GA-GA configuration of Fig. 7.2.5. The
intermediate summing and mirror CF stage adds its noise and offset to
that of the input stage. This addition is more than the noise and offset of
the "telescopic” current mirror load of the input stage of Fig. 7.2.5.

We may alternatively choose for a lower noise and offset as well as a
lower power consumption instead of choosing a high-frequency behavior
for the intermediate cascode and summing circuit. This can be realized
by taking the mirror connection at the upper P-channel side instead of at
the lower N-channel side. In that case, the lower current-source transis-
tors M,, and M,, need to provide a current equal to the tail current of the
differential input pair.

As a result, the two branches of the summing circuit would carry only a
quiescent current equal to half of the tail current. Yet the output of the
summing circuit would symmetrically deliver the maximum of plus or
minus the full tail current of the input pair into the compensation
capacitor. Thus proving full slew rate. This has been further explained
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with Fig. 7.1.2.b.

The limiting pole frequency, if loaded with a load capacitance C;, is
roughly:

/ g mi
fi=o c, (7.7.1)
Wlth 8mi =gm]1'
The zero-dB bandwidth must be chosen half of f,":
s 8mz 1 1 8
fo 2nC,, ) 2nC, (7.7.2)
Hence the Miller capacitor has to be chosen roughly:
Em
C,,=2C, =" (7.7.3)

ml

The bandwidth can be increased by roughly a factor 2 if we make use of
the active-Miller connection (dotted) with C,,,, as explained with Fig.
6.2.12. The maximum low-frequency voltage gain obtained without R; is
roughly:

Ayor= 8 s asaataabi (7.7.4)

with: ps =g siliosr H11=8miles, and disregarding the output resistance
of the upper cascoded current source.

A practical value is 80dB.
If loaded with a a load resistor R, the gain 4, is lowered by a load factor
R /(R +741))
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The dominating pole frequency without R; is:

Fr=Fol A vou (7.7.5)

The OpAmp of Fig. 7.7.1 has a minimum supply voltage of about 1.2V
as a result of the addition: Vi .., = Viise 11t Viar 28T Vear 26

When we further simplify the circuit and leave out the upper cascode
transistors M,,, M,, a very simple GA-CF-GA OpAmp remains that may
be powered at the absolute minimum supply voltage of 1 Volt, made up
by one diode voltage of M;, and one saturation voltage of M,,. However,
the maximum voltage gain will drop to:

A yor= 8 mi asast1 (7.7.6)

A practical value then is in the order of 60dB.
Compact 2Volt R-R-out CMOS class-AB OpAmp with MC

When we need a higher output current and still want a low quiescent
current we need to incorporate a current efficient class-AB biasing of the
output stage. A compact and robust OpAmp in an GA-CF-GA configur-
ation [7.17] is shown in Fig. 7.7.2.

The GA output stage M,;,, M,, is feedforward biased in class-AB by a
mesh of head-to-tail connected transistors M;;, M,,. The output stage has
been described with Fig. 5.3.21. At first sight, the bias connections to the
sources of M,; and M,, seem to lower the impedance at the gates of the
output transistors M,, and M,, and thus lower the gain. However, the
drain connections of M,; and M, cancel the low source impedances by a
positive feedback loop for CM driving voltages. Meanwhile, the bias
impedances for DM driving voltages are strongly fixed to accurately bias
the output transistors an a class-AB characteristic, as has been described
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by equation (5.3.7).
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Compact 2V R-R-out CMOS Class-AB OpAmp with GA-
CF-GA configuration having a R-R output stage with

Miller compensation

The class-AB mesh with M,; and M,, has been incorporated into the
folded cascode with M,, through M,,. This has the important advantage
that no additional bias currents have to be used for class-AB biasing. The
offset and noise of these extra bias currents would otherwise have been
added to the offset and noise of the input stage. To further reduce the
noise and offset contribution of the folded-cascode stage, one could have
chosen for the mirror connection at the upper side instead as of at the
lower side. By so doing, the currents in the folded cascodes can be
reduced by a factor two. This has been extensively explained with Fig.
7.1.2.b and Fig. 7.7.1.
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The limiting pole frequency, if loaded with a load capacitance C, is
roughly:

/_ gm]
freo C, (7.7.7)
wWith g, =811+ 8miz-
The zero-dB bandwidth must be chosen half of f';:
gmj' _ ]. / 1 gm]
for—2 2nC,, S o C, (7.7.8)
with C,;;=Cyy;+Crae
Hence, the Miller capacitors have to be chosen roughly:
c,,=2c,5m.c (7.7.9)
“ 8 Emi12

with g,,;=g,.;; =83, due to the mirror in the folded cascode and g,,, ;»=
gm]l gm]Z

The bandwidth can increase by roughly a factor 2, if we make use of the
active-Miller connection (dotted) with C,,;;, and C,,,,, as explained with
Fig. 6.2.12.

The maximum low-frequency voltage gain obtained without R, is:

Ayor® 8 msl aszoM2ab11,12 (7.7.10)

With: p,y=8odlus24 > Hir 12781 “112-

If loaded with a load resistor R, the gain is lowered by a load factor
R /(R +74 ”rdslz) .
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Compact 2Volt R-R-in/out CMOS class-AB OpAmp with MC

The minimum supply voltage of the circuit of Fig. 7.7.2 is set by two-
diode voltages and a saturation voltage through the class-AB mesh M,;,
M,,, which is of the order of 2 V. This allows for the addition of a rail-
to-rail (R-R) input stage. As a first approach, we could extend the circuit
of Fig. 7.7.2 with a R-R input stage as shown in Fig. 7.7.3. When the
commode-mode (CM) input voltage is at the negative supply rail voltage
Vv, the circuit behaves exact like the circuit of Fig. 7.7.2, because the
N-channel pair transistors M;;, M,, do not have enough gate-source
voltage to conduct, and hence the current source M, is being cut off.
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Fig. 7.7.3:  Compact 2V R-R-in/out CMOS Class-AB OpAmp with
GA-CF-GA configuration and Miller compensation (first

approach)

When the input CM voltages rise above the threshhold voltage V,;, of Mj;,
M;,, these transistors start conducting a current, and so does the tail-
current source transistor M,,. When M, conducts the full tail current,
both input pairs function normally, as explained with Fig. 4.4.2 and Fig.
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4.4.3 in Chapter 4. Now the total g, of the R-R input stage is twice that
of a single rail input stage. We suppose that I;,=15;;, and that the W/L
ratios of both input pairs have been chosen such that they compensate the
ratio of about three in the mobilities between the N and P-channel type,
so that both input pairs have the same g,,.

Now two problems arise: firstly, the g, of the input stage changes a
factor 2 when the input CM voltage swings from rail-to-rail, and we
cannot optimize the frequency compensation. We will address this
problem later. Secondly, the changing of the currents through the N-
channel input pair from O to half the tail current /,;, also changes the
currents through the upper folded cascodes M,, and M,,. And this changes
the quiescent current of the class-AB output stage, which is undesirable.
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Fig. 7.7.4:  Compact 2V R-R-in/out CMOS Class-AB OpAmp with
GA-CF-GA configuration and Miller compensation (sec-
ond approach)

The changing of the quiescent current as a function of the CM input
voltage can be stopped by using current mirror connections both in the
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upper and lower folded cascodes. This is depicted in the second approach
of Fig. 7.7.4. Both current mirrors are driven by an equal current source
Iy,; and Ip,,, respectively. This means that each mirror has a constant
output current, independent of whether there is a common-mode output
current of one of the input stages or not.
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Fig. 7.7.5:  Compact 2V R-R-in/out CMOS Class-AB OpAmp with
GA-CF-GA configuration and Miller compensation (third
approach)

However, there is a disadvantage with the circuit of Fig. 7.7.4, in that the
two current sources Ig,; and I, are physically different sources, which
means that offset and noise of these current sources add to the offset and
noise of the input stage. It would be much nicer if /; and I, were the
two ends of one physical floating current source. In that case the offset
and noise of one end cancels through one mirror the equal offset and
noise of the other end through the other mirror. So the question arises of
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how to build a low-voltage floating current source. One solution at a
higher supply voltage is given in [7.18]. The solution we prefer is given
in [7.19] and is shown in Fig. 7.7.5.

The floating-current source is composed of a similar mesh as is used for
the class-AB biasing of the output transistors, and consists of the head-to-
tail connected transistors M,, and M,

The bias current through this mesh is determined by the two translinear
loops M,s, My, M;s, M, and M,;, M;,, M,,, M,,. This current only
slightly depends on changes of the CM current of the input pairs. It is
interesting to see that the influence of supply voltage variations through
the Early effect is limited. Early effect in both meshes cancel each other
in their influence on the biasing of the output transistors [7.19].

For the final circuit, we have still to solve the problem of the changing g,
of the R-R input stage. For this purpose we choose one of the solutions of
Chapter 4.4. For example we choose the solution with the current
switches of Fig. 4.4.8, because of its simplicity [7.20] [7.21].

The final approach is shown in Fig. 7.7.6. The result is a compact circuit
with excellent specifications and which is robust against device parameter
variations. An example of specifications is a bandwidth of 2MHz at a
load capacitance of 20pF and a quiescent current of 200puA. The DC gain
is 85 dB at a resistive load of 10kQ , and the CMRR is 80dB at a CM
input voltage around the negative supply rail voltage, but 43dB when just
crossing the CM voltage level of Vg;;. Most specifications can easily be
programed by a factor 1/10 or a factor 10 by choosing other W/L ratios
and other voltages and currents.

The bandwidth may be enlarged by roughly a factor 2 without changing
the bias currents nor the load capacitor by connecting the Miller capaci-
tors, not directly to the gates of the output transistors, but indirectly
through a connection at the sources of the folded cascode transistors Mg
and M,,. This has been described in Chapter 6.2 with Fig. 6.2.12 [7.19].
At very low bias currents the transistors function in weak inversion. For a
constant g,, the spill-over switches must then be chosen two times instead
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of six times.
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Fig. 7.7.6:  Compact 2V R-R-in/out CMOS Class-AB OpAmp with
GA-CF-GA configuration and Miller compensation (final
approach)

Compact 1.2Volt R-R-out CMOS class-AB OpAmp with MC

When we want to further reduce the supply voltage while maintaining a
class-AB bias for the output stage, the feedforward class-AB biasing mesh
cannot be used anymore, because its two stacked diode voltages can no
longer be provided.

To avoid this problem the mesh has been folded, as shown in the compact
1.2 V CMOS OpAmp of Fig. 7.7.7 [7.22].

The folded mesh consists of M,,,, M,,;, Myy;, M,y;;. Somewhat similar to
the non-folded mesh, at first it does not seem that it has such a high
output impedance because the folded mesh does not consist of two folded
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cascodes, but of two differential pairs. Their output impedance is only
2rps. However, for CM signals that drive the output transistors, the
folded mesh may be considered as a folded cascode. Even when the class-
AB feedback control at the gates of M,,;, M,,;, keeps the gate voltage of
one output transistor constant at its minimum current, the regulation is
such that the gate voltage of the other output transistor is fully driven at a
high impedance. The class-AB control acts like a cascode 2-times boost
circuit for CM driving voltages.
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Fig. 7.7.7:  Compact 1.2V R-R-out CMOS Class-AB OpAmp with
GA-CF-GA configuration and Miller compensation

The DM driving is strongly controlled by the feedback class-AB measu-
ring circuit. In this example, the minimum selector of Chapter 5.4 is used
and is explained with Fig. 5.4.13 [7.23] [7.22].

The circuit needs one diode voltage and two collector-source saturation
voltages, which allows a minimum supply voltage of about 1.2V over
temperature variations.
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The circuit can be extended with a rail-to-rail input stage at 2V supply
voltage. The easiest way is with an input stage having constant g, using
spilling-over switches and adding the currents from the switches to obtain
a constant output current [7.22]. A quiescent current of 200uA was
needed for bandwidth of 4MHz at a capacitive load of 5pF, and a DC
gain of 85dB at a resistive load of 10kQ.

Conclusion

Robust and high-quality compact low-voltage CMOS VLSI OpAmp cells
can be designed with the GA-CF-GA configuration. If the simple GA-CF
configuration of Chapter 7.1 does not provide adequate LF gain, the GA-
CF-GA configuration is the next best choice. The output may nearly
swing from rail-to-rail at a minimum supply voltage as low as one diode
and two saturation voltages, which is in the order of 1.2V, or even 1V.
The CM input voltage may include the negative supply voltage rail, and
at a supply voltage of 2V even from rail-to-rail. The bandwidth can
roughly be designed up to f;/4. The circuits stay relatively simple.

7.8 GA-GA-GA Configuration

The previous GA-CF-GA configuration may not always deliver enough
LF gain. This may particularly be the case when the supply voltage has to
go down to the absolute minimum value of 1V of one diode voltage plus
one saturation voltage, or if we want to have a bipolar output stage. At
such low voltages we can no longer use CMOS cascode or bipolar
Darlington transistors. In those cases we have to take resource to another
GA general amplifying stage instead of a CF intermediate stage, resulting
in the GA-GA-GA configuration. In this section we will discuss a CMOS,
a BiCMOS and a full bipolar design.

1 Volt R-R-out CMOS class-AB OpAmp with MNMC

When we have to drive relatively heavy output loads in CMOS at a low
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supply voltage, the GA-CF-GA configuration with a folded cascode
intermediate stage no longer meets the needs. The folded cascode with its
two saturation voltages in series with a higher gate-source voltage at high
currents may require a too high supply voltage. Moreover, we may need
more power gain. To solve these two problems, a third GA stage may be
needed instead of the CF intermediate stage. A design example is given in
Fig. 7.8.1 [7.24].

The 1.0V CMOS OpAmp with GA-GA-GA configuration of Fig. 7.8.1
has an input stage M), M,, and a folded-cascode mirror circuit M,;;
through M,,,. The second stage M,,,, M,,,, drives through mirrors M,;,
M,,; and M,,, M,, the output push-pull stage M,,, M,,. The driver
mirrors are needed to provide an equal phase to the intermediate and
output stage in order to allow a nested Miller frequency compensation.
The driver mirrors also separate the direct class-AB control amplifier
M,,,, M,,, from the gates of the output transistors in order to allow these
gates to be driven from rail-to-rail. For the same purpose we avoided
folded cascodes to drive the output transistors. This whole architecture
does not have any branch between the supply lines that contain more than
one gate-source diode voltage plus one-drain-source saturation voltage.
This makes the architecture of Fig. 7.8.1 suitable for operation at a
supply voltage of 1.0V, or over wide temperature and process variations
1.2V.

The high-frequency compensation scheme has been multipath nested. The
first nest across the output transistors is shaped by C,,, and C,;. The
second nest runs from the output to the input of the intermediate stage
M,,, M,, through C,,, and C,,;. The gain path goes through the
intermediate stage. The feedforward path has been tapped single-sidedly
from the folded-cascode mirror connection and duplicated directly into
the gates of the output transistors by M,;, and M,;,, by passing the
intermediate stage.
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The limiting-pole frequency is set by the output stage at its quiescent
current by:

/ Emi
f; ; - (7.8.1)
with g, =801+ &mio2-

The zero-dB frequency of the two-stage direct amplifier path must be half
of the limiting-pole frequency, so:

s 1 1 8y
forshvm g5 C (7.8.2)
The Miller capacitors of the first nest must be chosen:
8mi _8ms
Cy=——=—G, (7.8.3)

under the assumption that the W/L ratios of M,;5, M,;,, M,;;, M,;, are
equal. On one hand we have half the g,; of the input stage because the
mirror only senses one input half, but on the other hand we double the
current in two transistors M,;,, M,;,. The zero-dB frequency of the whole
three-stage amplifier may be equal to that of the two-stage one because of
the multipath nested Miller compensation structure, hence:

f5/=fé=%f 1 (7.8.4)

which leads to the choice of the Miller capacitors of the second nest:
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ms _Ems
C,=——=—"C,

7.8.5
2Tl.'f(/)/ gm] ¢ ( )

The two-stage amplifier must dominate the high-frequency behavior at the
amplifier's bandwidth, therefore the transconductance through the inter-
mediate stage must be smaller than the transconductance through the
feedforward path. This causes the requirement:

11

8mz < 328 (7.8.6)

with g,.,=8,.201 + &mz02-

The factor 4 stems from the explanation with Fig. 6.2.19. The factor 2
comes from the fact that only half of the input stage contributes through
its mirror connection to the transconductance of the feedforward path
through M,;,, M,;,.

For measuring the class-AB relation between the push and pull currents
we have chosen a variation to the Seevinck version, described with Fig.
5.4.13. Note that the functions of M,;, and M,,, have been interchanged
in regard to Fig. 5.4.13.

The direct class-AB control loop is realized by the control amplifier M,,,,
M,,, which differentially controls the biasing of the output transistors via
the mirrors M,,;, M,,; and M,,,, M,,. The control amplifier has been
referenced on the left side by M,,,. The bandwidth of this first or direct
class-AB loop is determined by the product of the g, of the control
amplifier and the impedance of a parallel compensation capacitor, which
consists of the series connection of C,,;, and C,,,; in between the output
of the mirrors. The bandwidth of the class-AB control loop must be stable
and of the same order as the bandwidth of the whole amplifier.
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The intermediate stage with the grounded transistors M,,, M,, may
provide such large driving currents that the direct class-AB control may
be overruled. To avoid this, the class-AB control has been given a
second, or gain path, through the intermediate stage in a multipath
compensation topology. To this end, the folded cascode circuit between
the input and intermediate stage has also been given a differential
amplifier function by splitting the cascode transistors. In this way the
intermediate stage is driven in parallel for input signals, and differentially
for class-AB control signals. The transconductance of this extra gain path
for class-AB control signals is determined by the product of the g,, of the
differential amplifier M,,;, M,,,, the impedance of a parallel
compensation capacitor, which consists of the series connection of C,,,,
and C,,, and the g, of the intermediate stage M,,,, M,,,. This transcon-
ductance must be smaller than that of the direct path at the bandwidth of
the direct path, otherwise the direct path does not dominate the stability
of the class-AB loop at high frequencies.

A realized example of such a three-stage CMOS 1.0-voltage OpAmp has
a bandwidth of 5SMHz at a load of 5pF and 10kQ, at a quiescent current
of only 200pA. The voltage gain is 80dB. Over wide temperature and
process variations the minimum supply voltage is 1.2V [7.24] [7.26].

Compact 1.2 Volt R-R-out BiICMOS class-AB OpAmp with MNMC

At low supply voltages we can no longer use Darlington transistors to
drive bipolar output transistors. An excellent solution for driving bipolar
output transistors at low supply voltages is to use the low-voltage GA-CF-
GA configuration of Fig. 7.7.6 as a class-AB driver. The result is shown
in the 1.2V BiCMOS OpAmp of Fig. 7.8.2 with an GA-GA-GA
configuration [7.25].

The nested Miller compensation requires an equal phase across the first
and second nested Miller capacitors. This forces us to place mirrors M,,;,
My, and Q,y5, O,y between the CMOS driver intermediate transistors
M, and M,,, and the output transistors Q,, and Q,,. These mirrors
allow the transfer of class-AB driving currents. This was not needed in
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the CMOS OpAmp of Fig. 7.8.1, in which case we could choose an all
N-channel intermediate stage and N-channel mirror driver for best HF
performance.

The complementary CMOS intermediate stage and mirror drivers may
generate such large class-AB dominating currents, that a local class-AB
control differential amplifier M,,,, M,,, is not sufficient. Therefore the
class-AB regulation is extended with a multipath control amplifier M,,;,
M,,, as to also control the intermediate stage. The control amplifier is
made by splitting the cascode transistors of the folded cascode and mirror
following the input stage.

The push and pull currents are sensed by the bipolar transistors Q,;;, and
Q;;>- To limit their currents, emitter resistors may be inserted. The
minimum selector M,,,, M,,s senses the lowest of one of the two push or
pull output currents across the measurement resistors R;;; and R;;s. The
class-AB control amplifiers M,,,, M,,; and M,,;, M,,, are referenced at
the left hand by the diode M,;, and resistor R,;,. The result is a robust
class-AB regulation that keeps the lowest of the push or pull output
currents above the minimum value.

The driving of the complementary intermediate stage by a folded cascode
mesh M,;;, M,,,, M5, M,,o, as explained with Fig. 7.7.6, allows a mini-
mum supply voltage of one diode voltage and two saturation voltages.
The result is a minimum supply voltage of about 1.2V, or over a wide
range of temperature and process variations 1.4V. The three transistor
combination M,,,, M,,, M,,, can be regarded as a third folded cascode, to
directly drive the output transistors. This allows the combination of the
direct class-AB control path through M,,,, M,,, and the feedforward path
through M,,, from the input stage to the bases of the output transistors.

The multipath nested Miller frequency compensation is similar to that of
Fig. 7.8.1 and has been described by the equations 7.8.1 through 7.8.6.
In the last formula g,,; +8,2;; must be replaced for g,,,. The main
differences to the circuit of Fig. 7.8.1 are that the output and input
transistors are bipolar and that the second stage is driven by cascodes at
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the bottom as well as at the upper side. This means that a larger
bandwidth can be obtained, and that the DC gain is larger than those of
the circuit of Fig. 7.8.1. Moreover, the input offset voltage is lower.

By example, a 30MHz bandwidth was obtained at a supply current of
800uA at a load of 5pF and a supply voltage of 1.2V, or 1.4V over wide
temperature and process variations. The DC gain is in the order of 100dB
at a load resistor of 10kQ [7.25].

ESD Protection

When the amplifier is used at the input or output of a VLSI chip, the
bipolar input or output must be protected. Firstly, ESD diodes must be
used from each input and output to both power rails. Secondly, two
antiparallel diodes across the input terminals are needed to protect the
input transistors against large reverse bias voltages. Thirdly, to avoid HF
ringing when the output transistors are drivers into saturation, saturation
detection transistors must be connected across the output transistors, as
was explained earlier with Fig. 5.5.2. These transistors must be of the
same type as the concerned output transistors and with a base-to-base and
collector-to-collector connection with the output transistors. The emitter
in reverse mode is used as a collector and can be connected to the related
gate of the CMOS driver transistor of the intermediate stage. This limits
the drive current and keeps the output transistors from saturation.
Fourthly, the output current must be limited to protect the output
transistors from being destroyed. To this end the current-limiting
topology of Fig. 5.5.5 can be used with a direct path to the base of the
output transistor and a multipath to the gate of the related driver transistor
of the intermediate stage [7.26]. These protection issues must be dealt
with in all described circuits.

1.8 Volt R-R-in/out bipolar Class-AB OpAmp (NE5234) with NMC
If we want to obtain a high output current capability in pure bipolar

technology, Darlington output transistors offer the most simple solution.
However, a Darlington output stage needs a supply voltage of minimally
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two diode voltages and one saturation voltage, which is 1.8 Volt over a
wide range of temperature and process variations. An example circuit of
a fully bipolar OpAmp with an GA-GA-GA configuration and Darlington
output transistors, the NE5234, is shown in Fig. 7.8.3. [7.27] [7.28]

The output stage consists of the complementary Darlington transistors
Q,;, Q,, on the NPN side and the folded Darlington transistors Q,;, Q,,
Q,s on the PNP side. The PNP side is current-boosted (see Chapter 6.1)

by Q0. Orar> Qiso-

The class-AB control amplifier consists of a differential pair Q5 Q,, with
a reference voltage across Q,,, ,, at the left-hand side and a minimum
selector Q,,,, O, at the right-hand side, which gets its push and pull
current information directly from the NPN output transistor Q;, and
indirectly from the PNP output transistor Q,; through Q,s and Q,, (see
Chapter 5.4.3).

The differential pair senses the differential voltage between the voltage
reference and the minimum selector and regulates the difference in the
ideal case at zero. When driving the current of one output transistor high,
the current of the other output transistor will be regulated at half its
quiescent current (see Chapter 5.4.3). If this happens, the driving current
for the transistor with the lowest output current is channeled away from
this transistor and fed to the other output transistor through the
differential pair, thus doubling the drive current of the output transistor
with the highest current. The result is that both currents from the
intermediate stage are either used to drive both output transistors in
parallel in the quiescent situation, or to jointly drive the output transistor
that needs to drive the largest current, while the other is idle at half the
quiescent current.

Bipolar output transistors must be protected against excess current,
otherwise they can be destroyed, and against saturation, otherwise the
bandwidth may drastically decrease and the circuit may start oscillating.
Moreover, saturation of NPNs creates large amounts of charge carriers in
the substrate, which may create unwanted signal paths. Current limiting is
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provided by the sense transistors Qg;, Qg, for the NPN output side, and
Oss» Qg Tor the PNP output side. Saturation protection is provided by the
sense transistors Qg and Qy, for the NPN and PNP sides, respectively.
These transistors are used in reverse mode. They match their base-
collector diodes with those of the output transistors over process variati-
ons.

The R-R input stage has the two complementary differential input stages
Qs;, Os; and QOs;, Os,. The current switch Qs and mirror Qs,, Qs, keeps
the sum of the tail currents constant at the collector current of Q. The
folded cascodes Q,;, Q,, Q. Q,, feed the output currents of the input
long-tail-pairs to the second stage while these currents are being summed.

Bipolar input stages have the nasty property that their signal transfer is
reversed when the transistors are driven into saturation. This is caused by
conductance of the reverse base-collector diodes. Particularly for low-
voltage amplifiers, input voltages can easily surpass the supply voltage.
To protect the input stage from signal reversion each input transistor is
paralleled with a two-times larger transistor, which is connected as a
collector-base diode, while its collector is cross-coupled to the other
transistor of the belonging input pair (see Chapter 4.4).

The intermediate stage consists of a folded Darlington differential
structure with double output currents of the same signal polarity to drive
the output stage push-pull in common-mode. The intermediate stage
provides common-mode feedback to the input stage at its common-emitter
connection to the bases of Q,, and Q,,.

The high-frequency behavior of the OpAmp is well determined by a
nested Miller compensation structure (see Chapter 6.2.3). The capacitors
of the first nest are Cy,;y and C,,p. To lower the loop gain at the PNP
side a parallel capacitor Cp, is used. The capacitors of the second nest are
Cy; and Cp,. Ground has been chosen as the virtual reference for the
second Miller loop through Cs,.

Note that the stabilizing of the other internal loops must also be separately
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secured, as there are: the class-AB loop through both the positive and
negative output transistors; the current booster loop of the positive output
transistor; both output-current limiter 10ops; and finally the CM feedback
loop through the input stage and intermediate stage.

The limiting-pole frequency at the PNP side is:

g m
fi !

- 7.8.7
21C,(1+Cpy/Cpyyp) (7.8.7)

with load capacitor C, and transconductance of the output stage g,,;-

The zero-dB frequency of output and intermediate stages Is:

fi 8
le_omE (7.8.8)
2 2mCy,

with g,, as the transconductance of half the second stage, and C,, the
average of Cyyand Cyp.

The zero-dB bandwidth of the whole amplifier becomes:

/ /
f5/=59=£=ﬁ"3— (7.8.9)

with g,,; as the transconductance of the second stage, and C,,=Cp, the
second Miller-loop capacitors.

In the example of the NE5234, the overall bandwidth is 2MHz at a total
supply current of 700uA.

It is interesting to see how the intermediate stage functions like a mirror
in adding the voltage across Cp, (In series) with the voltage across Cy,.
This provides the factor 2 in gain comparable to that of a mirror in the
output of an input stage in subtracting the two differential output currents,
thus adding the absolute values into a single output.
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The overall low-frequency gain is:

A5=8miR18 s 28 mi p3 (7.8.10)

in which r,, is the parasitic parallel resistance at the output of the
intermediate stage, and r,; that at the output of the input stage. In the
example of the NE5234, the DC gain is in the order of 3x10° at a 10kQ
load resistance.

The minimum supply voltage is set by the Darlington output transistors
and the minimum selector, which take at least two diodes and a saturation
voltage. Over the full temperature range the minimum single supply
voltage is 1.8V.

When we have to work at supply voltages down to 1V, we can fold the
Darlington output transistors and boost the bias currents as in the LM10
[7.29].

However, these stages have a poor HF behavior. Therefore, it is better to
replace the VF-GA Darlington output stage for an GA-GA multipath
nested output stage [7.30]. In fact, we then obtain a four-stage GA-GA-
GA-GA configuration, which will be discussed in Chapter 7.9.

Conclusion
We have seen that the GA-GA-GA configuration may provide an
abundance of gain. Therefore, it may be used for the design of precision

low-voltage operational amplifiers and for heavy loads. Three important
design examples have been evaluated.

7.9 GA-GA-GA-GA Configuration

It is a general rule that if we cannot improve the gain of a single GA
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stage by a bipolar Darlington or a CMOS cascode connection because of
lack of supply-voltage room, we have to cascade more GA stages. In this
paragraph we will present two four-stage GA-GA-GA-GA OpAmps, the
first in full bipolar technology and the second in CMOS technology.

1 Volt R-R-in/out Bipolar class-AB OpAmp with MNMC

If we need to work at supply voltages as low as 1V, we can no longer use
bipolar Darlington output transistor combinations with stacked diode
voltages. Nor would we like to use the folded Darlington output stage
with a current boost [7.29] because of its poor HF behavior. Hence, the
way out is to replace the VF-GA Darlington output stage by an GA-GA
output stage. This leads to a bipolar OpAmp design with the GA-GA-GA-
GA configuration of Fig. 7.9.1 [7.31].

Starting at the output, we have the complementary output transistors Q,,,
and Q,,,. They have first inner-nested Miller capacitors C,,;; and Cy;,,
respectively. The output transistors are driven by complementary driver
transistors and mirrors Q,,, through mirror Q,;, Q,, and Q,,, through
mirror Q,;, .4, respectively. These drivers and mirrors may provide
the output transistors with an abundance of current, particularly because
we can give the mirrors an extra gain of four.

The drivers combined with the mirrors have an non-inverting gain, so we
may simply connect a second nest of Miller capacitors C,;,, and Cy,, to
the inputs of the two drivers respectively.

We may now choose if we want to apply a multipath to the nest. We
decided to do so in order to gain a factor 2 in bandwidth. To this effect,
we designed an intermediate stage that provides two output currents for
each of the N and P output sides. The intermediate stage for the N output
side Q,,, Qus» Qs has been terminated by two folded N-type mirrors
Qus0» Dussy Quso- The folding has been done to give the mirror input side
the same voltage level as the mirror output sides to balance out the effect
of variations in the supply voltage through the Early effect. The
intermediate stage for the P output side Q) Qus, Quo has been
terminated by two P-type mirrors. This gives the mirror-input side the
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same voltage-level as the mirror-output side, which also balances the
effect of supply voltage changes through the Early effect at the P-side.
The intermediate stage is further enhanced by folded Darlington transis-
tors Qg Qus. The summing circuit Qsg), Osgs TECEiIVES its mirror
connection through one of the intermediate stages through the level shift
resistor Rsq. The differential intermediate stage is HF compensated by a
third nest C,; and Cp;. The capacitor Cp; is needed to provide the
intermediate stage with an HF ground terminal. Without Cp; the left input
of the intermediate stage will not be a virtual ground, but terminated by
Rsg,. This would provide an HF sneaky path, that keeps the frequency
compensation from roll-off at 6 dB/oct above f,=1/27Rs4;Cps. Cp; must
be equal to C,,; for balancing purposes. The level-shift resistor Rsg has
been inserted to make it possible for the whole amplifier to function at a
supply voltage of 1 Volt between the positive and negative supply rails.

The input stage Qs;pr Os20, Os30» Osqo has been connected as a rail-to-rail
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input stage (see Chapter 4.4). The CM range is from rail to rail at a
supply voltage of 1.8 Volt or higher, but at 1 Volt the circuit already
functions with CM ranges around both rails. The switching between the
PNP side and NPN side occurs at a voltage Vg,. The summing circuit
Qssor Osssr Osaps Osos functions as a folded cascode and has a differential
output.

The class-AB regulator amplifier Q;,, through Q;,, has been connected in
parallel to the intermediate stage. The class-AB amplifier also provides a
multipath output to directly drive the output transistors. The output
currents are measured in parallel with the output transistors by Q,s, and
0,5, which have series emitter resistors. The lowest of the output current
is sensed by the minimum selector Q;,, Qs and transferred to the class-
AB regulator amplifier on its right-hand side. A reference voltage is
offered on the left-hand side.

The limiting frequency f', is at the output transistors:

= gm}
f!/ 2nC, (7.9.1)

with g,.; =810 &m210-

The g, is taken at its quiescent current level. The zero-dB frequency of
the feedforward path of the intermediate stage and output stage is:

(7.9.2)

So, the choice of the first nest of Miller capacitors of the feedforward
path should be:
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C,,- Em32 _2 Em32 c,

(7.9.3)

with Gy =Cyy;+ Cppyp and €,3:=8pna30+ Emaro-

The zero-dB frequency of the gain path of the intermediate stage, driver
stage, and output stage is:

1
fo=fo=1 (7.9.4)
This results in a choice for the second nest of Miller capacitors:

C gm31 2g'"3]C

M2~ 7.9.5
with Gy, =Chppy+ Copzp and 8,5, = 8,435+ mass-
The zero-dB frequency of the whole amplifier is:
w11
Jo ——fo fo——f | (7.9.6)

The factor % results from the third nest, in which we have not used a
second multipath to make the amplifier less complicated. The bandwidth
of the four-stage amplifier with multipath output stage and driver stage is
thus comparable with a three-stage amplifier without a multipath. The
third nest of Miller capacitors is:

_ g gm4
Cos=— 4g_mc (7.9.7)



7. DESIGN EXAMPLES 343

with g,.,=&s00-

The transconductance g, is that of the R-R input stage with mirrored
(through tail of intermediate stage) output of the summing circuit Qs,,,

Q595 .

Care must be taken that the transconductance of the driver stage and
current mirror is lower (see explanation with Fig. 6.2.19) than the
transconductance of the feedforward path from the intermediate stage.
Because at high frequencies the direct HF path must dominate the LF
gain path. This results in:

48,2 <8ms (7.9.8)

With g,., =810+ &maz0 A0A &5/ =&mass Emars-

At high output currents, this can become difficult to comply with. A
solution can be to degenerate the emitters of the driver transistors Q,,,

and Q.

Bipolar output transistors have to be protected against saturation,
otherwise their HF behavior drastically reduces and ringing may occur.
They must also be protected against overdriving, otherwise these transis-
tors can easily be destroyed. For this purpose, the saturation detectors
Q,,; and Q,;, have been placed in parallel with the output transistors with
their collectors and bases. If the output transistors saturate then the
saturation detectors also saturate and feed the saturation current in reverse
mode through their emitters to the bases of the regarding drivers. Current
limitation is effected by a combination of small emitter-resistors in the
output transistors, and sense transistors Q,;; and Q,;; with emitter
resistors R,;; and R,;; with their bases in parallel with the output
transistors. The collectors of the sense transistors have been connected
through collector resistors R,,, and R,;, respectively, to the concerning
bases. If the currents of these sense transistors become so large that they
saturate, this saturation current is sensed by additional sense detectors
Q,;, and Q,,,. Their emitter currents limit the current at the base of the
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driver transistors.

The result is a 1V Bipolar OpAmp with a bandwidth of 3MHz at a load
of 100pF and a total quiescent supply current of 700uA, a DC gain of
100 dB at a load of 10kQ), and a maximum current of 10mA. These
values can be scaled up or down easily by a factor 10 [7.31].

1.2 Volt R-R-out CMOS class-AB OpAmp with MHNMC

As a last example of the use of more than three GA-stages in cascade, a
1.2V CMOS OpAmp with an GA-GA-GA-GA configuration will be
given. It has a multipath hybrid nested Miller compensation. The circuit
has an abundance of gain and can drive low-impedance loads. Nowhere
are more than one diode and two saturation voltages stacked. The output
transistors are driven by transistors which need only one saturation
voltage. This results in a supply voltage as low as 1.2Volt over
temperature and process variations. The circuit is shown in Fig. 7.9.2
[7.32]).

The output stage M,,, and M,,, has a first Miller nest of capacitors C,,;,
and C,;p. The output stage is driven by a driver stage M,,,, M,,,. The
intermediate stage M, and M;,, has a second Miller nest of capacitors
Cyzq and Cyp. Across the intermediate, driver, and output stages the
outer nest is made up by C,,,. The input stage M,,, and M, is followed
by a folded cascode M,;,, M, and loaded with a mirror M,,, M, The
mirror also produces two feedforward paths M,,, and M,,;, which directly
drive the output transistors in a mulitpath way. The mirror and
intermediate stage-transistors are chosen of equal type, so that the mirror
transistors have about equal drain-source voltages and do not contribute to
supply-voltage dependent offset.

The class-AB regulator has output current sensors Ms,, with mirror M.,
Mg, and M,,. The sense currents are first subtracted from current
sources My, and My, and then fed into the measuring diodes Mj,, and
M;s,, respectively. By this action a minimum current in one of the output
transistors is translated into a maximum current in one of the measuring
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Fig. 7.9.2: 1.2V R-R-out CMOS Class-AB OpAmp with GA-GA-GA-
GA configuration with multipath hybrid nested Miller
compensation
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diodes. A class-AB control amplifier M, through Ms,, has been
connected to the measuring diodes as an and-gate or "maximum selector"
at its right-hand side. The four outputs of the control amplifier bias the
driver-stage and output transistors in a multipath nested manner. This
ensures a robust and stable class-AB biasing of the output transistors
[7.32]. It has further been explained with Fig. 5.4.12.

The frequency compensation has been explained with Fig. 6.2.22 [7.33].

The limiting-pole frequency is:

gm]

/_
7 2nCL

(7.9.9)

in which C; is the output load capacitor, and g, =8mi100t &miso-

The zero-dB frequency f', of the driver and output stage combination
must be half that of the limiting-pole frequency, so:

f§=%f’{ (7.9.10)

The gain around the driver and output stage is determined by the
inverting intermediate stage My, M,,, with a gain of Cy»/Cy3, which
leads to the choice of:

8m2 _1 Coz 8
27TCM1 2CM3 21rCL

(7.9.11)

With &,,,= 8,200+ 8maso and Cyyy = CuratCyyp and Cpy3=Cyy5,+ Cisz-

When a multipath connection is made directly from the input stage to
drive the output transistors, the overall bandwidth f'’, may be taken equal
to f"', or half f',, so:
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f3/=f6=%f ' (7.9.12)

which leads to a choice for Cy,:

8mar _ 1 8mi
2nC,, 22nC,

(7.9.13)

in which g, is the gain path of the transconductance of the input stage
M,,, M,,provided through the mirror M, M, to the overall nest C;,
while the direct path of the transconductance g, i1s provided through
M,,, and M to the first nest Cy,,, and C,,,, respectively.

It must be prevented that the gain-path dominates the HF path at high
frequencies. This leads to the choice of a lower transconductance of the
driver stage.

Hence:

Cz &m2 <l Emaz

C,;2nC,, - 32nC,,

(7.9.14)

As the gain path does not contribute much at high frequencies, the
constraint for the bandwidth f'; of the intermediate stage is also relaxed
to f';>75f",. This leads to a choice:

Ems 1 8m
27rCM2 32nC,

IN

(7.9.15)

with g,.5=8 300+ &ms10-

Finally, we must match the 6dB roll-off of the gain path and the multi-
path, to avoid a pole-zero doublet.
This leads to the choice:
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8mai _ Ema
2nC,, 2nC,,

(7.9.16)

Conclusion

The conclusion can be drawn that the hybrid nested Miller compensation
technique leads to robust GA-GA-GA-GA amplifiers with an abundance
of gain and, when provided with a multipath, a bandwidth comparable to
that of a regular Miller compensated OpAmps. As an example two
CMOS OpAmp were made, one with and one without a multipath. At a
bias current I, of I0uA, the total quiescent current was 300uAd with a
supply voltage of 1.5V, a bandwidth was obtained of 2MHz and 6MHz,
respectively for the non-multipath and the multipath version, at a load
capacitance of 10pF.

The open-loop voltage gain was 120dB at a load resistor of 10kQ. The
OpAmp does not use resistors and can be easily scaled up or down. At a
bias current I of IuA, a total supply current of only I5ud, a supply
voltage of 1.2V, and a bandwidth was obtained of 0.2MHz and 0.6MHz,
respectively [7.32].

7.10 Problems and Simulation Exercises
Problem 7.1

Figure 7.1.2.b shows a folded-cascode operational amplifier with class-A
output stage. Considering the MOS devices sized W/L,;=W/L,,=
3. 5W/L;;=3.5W/L,,=35u/1p, W/L,,=W/L,;=100u/3p, W/L,,=60u/3p
and W/L,,=W/L,,=20u/3u biased with the current source I;,=20uA at a
supply voltage of V,=-Vi,,=1.35V, design the input pair and the current
sources M;, M;; and M,, so the gain of the amplifier will be 60dB with
capacitive load C,=IpF and resistive load R,=5M{, and under these
conditions the slew-rate will be S,=40V/us. Transistor parameters are
Viin=0.5V, Vpp=-0.6V, Ky=56uA/V?, K,=16pA/V?, Ay=A,=0.1V".
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Calculate the 0-dB frequency and the biasing voltages Vg, Vp,.
Solution
The tail current of the input stage limits the slew rate of the whole

amplifier under given capacitive load, the second stage being only a
current follower

I, 21

§=2-_f (7.10.1)
CL CL

which for the given slew-rate value requires an /; current of

5C,

Iy=—2=20p4 (7.10.2)

The corresponding sizes for the current source transistors are determined
taking care to keep the same channel length for the current mirrors using
M,, as reference

W 120p

z;'? (7.10.3)

Transistors M,, and M,, are sized knowing their drain current equal to 2/,

s v (7.10.4)
L]] o

Without load resistance, the DC voltage gain of the amplifier is

Ayo=8 s (gt s rol 167 45181 R ) (7.10.5)



350 OPERATIONAL AMPLIFIERS, THEORY AND DESIGN

For a saturated MOS transistor, the voltage gain u and r, above can be
calculated based on device sizes and drain current

1
U=
K—
7 (7.10.6)
yo= L
ds MD

Numerically, using device sizes and the biasing given by 7.11.2, this
allows calculating the amplifier output impedance

Z,=31.2MQ (7.10.7)

which is much larger than the load resistance
Zy> >R, (7.10.8)

Thus, g, can be calculated as

A
gm,=7ev—"=200u5 (7.10.9)

L
Using the value above in Equation (7.1.8) the sizes of input pair transis-
tors result

2
W &m
LI,Z 4KPIB

=32 (7.10.10)
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For low input offset, the channel length of the input pair transistors is
usually non-minimal, similar to the current mirrors

W 100p

R 7.10.11
L, 3u ( )

Because the input transistors are actually close to weak inversion, their
size is usually large in real circuits. The 0-dB frequency of the amplifier
designed above will be

gml
2nC

fo=

=32MHz (7.10.12)

L

The biasing sources Vg, Vg, should be designed to keep M, ;s and M,, ,,
in saturation even when the input pair is slewing, sourcing all available
current through one of the input transistors

Vir=Vasis Vi1, 2y 20:977+0.380=1.36V

10,
Vir Wosis Va2 20.777+0330=1.10v (71019

Problem 7.2

Figure 7.2.5 shows a rail-to-rail output two-stage amplifier compensated
by a Miller configuration which does not introduce a positive zero in its
AC behavior. Considering the MOS devices sized as W/L,;=2W/L,,=
10W/L;,=80u/2p, W/L,,=2W/L,;=10W/L;;=100u/2p, W/L,;=W/L,,=
60u/2p, W/Ly;=W/L,,=20u/2u, W/L,s=W/L,;=10p/2u, W/L,=40p/Ip
and W/L,,= 80u/lu, the biasing source I,=10uA and the amplifier
loaded with only the capacitor C, =10pF, calculate the D-C voltage gain
Ay, and the Miller compensation capacitor C,, for a phase margin of the
compensated amplifier ¢,=60 deg. Transistor parameters are V=
0.5V, Vyup=-06V, Ky=56pA/V?, K,=16pA/V?, Ay=A,=0.1V".
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Solution

The biasing currents for M, and M,; can be calculated knowing the
reference current through M;,.

WL

IDI4:ID32L W =50pA

WL (7.10.14)
I .=l .. ———=100uA
28 'puy 2

32

The DC voltage gain with no resistive load is given by Equation (7.2.10)
as

Ay =Hhoth By (7.10.15)

each p voltage gain corresponding to M,,-M,,, M,, and M,, respectively

A= = 96dB
21 21 21
hp | —2 0, | —2, |22 (7.10.16)
W W w
K,— | K— |K,—
"L ML "L
22 11 12

There is a huge gain which can be obtained with this amplifier structure.
The price is the reduced input and output common-mode ranges.

The Miller compensation is calculated forcing the unity gain bandwidth to

be half the value of the non-dominant pole introduced by the capacitive
load

:l gmll

7T

fo =10.6MHz (7.10.17)

L
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As this frequency should be set by the transconductance of the input stage
and the Miller capacitor, the value of C,, results

Em22
C, = =6.6pF
M 27[f0 14 (7.10.18)

Problem 7.3

The class-AB amplifier in Figure 7.7.2 is designed with transistors sized
W/L,,=7.5u/2u, W/L,,=W/L,s=2u/2pn, W/L,,=26u/2pn,
W/L,s=W/L,;=7u/2n, W/L,;=W/L,;=W/L,;;=42u/2u,
W/L;y=W/L;,=10u/2pn, W/L,;=14p/2p, W/L,,=4u/2pn,
WI/L,,=W/L,,=4u/2p, W/L,;=W/L,,=6u/2p, W/L,,=W/L,g=21u/2p and
biased with Iy, =I;,=0.5uA. For a capacitive load only, C,=I10pF,
calculate the Miller capacitors C,,, and C,;, so the phase margin
becomes ¢, =60deg. Calculate the unity gain bandwidth of the compen-
sated amplifier. What is the maximum current which can be supplied by
the class-AB output stage? Transistor parameters are Viy=0.5V, V=
-0.6V, Ky=56pA/V?, K,=16pA/V*, Ay=A,= 0.1V,

Solution

The drain currents for M;;, M,s and M,, are all equal because of equal
sizing of these transistors

W L
Ip33=lpos=Ipos=Ip;s =3uA (7.10.19)
L. W
313 Wis

The quiescent current of output transistors can be calculated using one of
the translinear loops, for example Vg;;-Visis-Vasis- Vasis
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1 I 1
IDJIZW/L“(J D15 +J DI6 _J D3 )Qzll'uA (7]020)
WiLy, \ Wik, \ WLy,

This value is equal with I,,;, at quiescent operating point. Knowing the
drain current and the sizes of the transistors, the DC gain voltage can be
calculated

w
2K PL_] D32
32
Ayo=8 i3 asaaboahin = 7 10.21
X3I 211)24 2Imz (7.10.21)
N D22
W W
KN_ KN_
Ly, L,
The Miller capacitors result from Equation (7.7.9)
gm3
Cy11=Cyp=C,——=7.6pF (7.10.22)

mi2

Unity gain bandwidth of the compensated amplifier can now be calculated
as

- m3

f0:2

=246KHz (7.10.23)

L

The maximum output push or pull current can be calculated if all the
available current from M, flows either through M,; or M,,. Using
7.10.20 under the assumption that 7,,,;=0, the push current limit results

I 1
I, =WIL, (| =25+ | 21 27 4y (7.10.24)
"\ WIL,s N WL,
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Problem 7.4

The compact amplifier shown in Figure 7.7.7 can be tuned to operate at
1.2V supply voltage and 10uA supply current. Considering the transistors
sized as shown, adjust the bias current to the required value to operate the
amplifier at the aforementioned supply current, then calculate the Miller
compensation capacitors C,;;,, C,p,, and the 0-dB bandwidth for a phase
margin ¢,,=60deg when the amplifier is loaded with a capacitor
C,=10pF. The PMOS transistors have K,=16uA/V".

Solution

All the biasing currents are obtained from /[ in this circuit so the sum of
all these currents can be obtained as a function of /.

53217 2047 poos =21 g
L5239 238~ psor =1
1 1
10112:1011325102192513 (7.10.25)
w L 1
D101 :L_—_IB:mIB

101 111

Summing all the currents calculated above except for the biasing current
itself, the total supply current is

1

supply =201

B (7.10.26)

which requires a bias current

101A
B=2—’S=0-50uA (7.10.27)
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In order to calculate the Miller capacitors and the bandwidth of the
compensated amplifier, two g,, values must be calculated

W,

301

2K

p7 30, =22.6RAIV (7.10.28)

Em3~8m301 "8 m302”

The above value seems to be too large, considering the level of drain
current for the input transistors. The maximum g, for a MOS transistor
operated at a drain current [, is attained when the transistor works in
weak inversion and is typically limited to 251, at room temperature,
similar to a bipolar transistor. Therefor, the value of g,,; will be limited to

83~ 25130, =12.50A1V (7.10.29)
In the same manner, the output g, can be calculated
8111728 10100201 p1p=250pA/V (7.10.30)

The Miller capacitors are compensating one output transistor each, so
their value is

glﬂ
Coi1a=Coppa=—2C,=0.5pF (7.10.31)

ml

and the corresponding 0-dB frequency of the compensted amplifier
becomes

/_ gm3
0=
2n(C

~OMHz (7.10.32)

MIA + M2A )
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Simulation Exercise 7.1

Use the AC simulation circuits shown in Figure 2.7.2 to plot the gain and
phase characteristics of the folded-cascode amplifier in Figure 7.10.1.
Note the single pole characteristic and change the unity gain bandwidth to
double its value by adjusting the load capacitor and/or the input stage g,,.
Also run AC simulation with and without a load resistor and note the
major change in DC gain. Using the original and the modified amplifier,
run transient simulations with the amplifier in a non-inverting
configuration and using a pulsed voltage for input signal. Estimate the
slew-rate of both versions. By changing the input signal to a variable
amplitude sinusoidal voltage and running transient and Fourier analyses, a
maximum limit can be obtained for the output voltage by imposing a limit
for the accepted distortion THD=0.1%.

& Vgp
Mg +
1H 100 é i Iy
3v
e C) i
Weou
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i ]
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W=33u W=10u

# Van

Fig. 7.10.1: Folded cascode amplifier
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Simulation Exercise 7.2

The class-AB compact amplifier shown in Figure 7.10.2 can be operated
at a supply voltage as low as 1.2V. Run AC simulation for gain and
phase characteristic, then transient simulations for slew-rate and maxi-
mum output range in a manner similar to the one described in the
previous exercise. During the slew-rate measurement, plot the drain
currents of both the output transistors and observe the minimum current
which is drawn by the inactive transistor.
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Fig. 7.10.2: Compact low voltage amplifier
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8. FULLY DIFFERENTIAL OPERATIONAL AM-
PLIFIERS

As the supply and signal voltages go down to lower values from 30V,
12V, 5V, 3V, 2V, and finally 1V, the signal-to-noise-and-interference
ratio becomes increasingly worse. An important way to cope with this
problem is to use fully differential signal paths. The differential peak-to-
peak signal then becomes maximally twice the total supply voltage
V=V, - V. But even more important will be that the influence of
substrate interference on the two balanced signals will largely cancel one
another. All kinds of amplifiers, filters, sigma-delta converters, and other
circuits using fully differential OpAmps may thus be designed in a fully
balanced or differential way.

For this purpose, we have to design fully differential OpAmps which
have two outputs of which the voltages accurately move opposite to each
other in regard to a constant common output reference voltage.

The main additional problem is to design a common-mode output control
circuit that is accurate and that can handle voltages that move close to the
supply-rail voltages, so that the amplifier can function at low supply
voltages. This will be elaborated in this chapter for the GA-CF, GA-CF-
GA, and the GA-GA-GA-GA configuration with several different solu-
tions.

The control of the differential output voltages of this chapter is in contrast
with the OFA approach (see Chap. 9) in which the relation between the
output currents is controlled in an accurate differential way.

8.1 Fully Differential GA-CF Configuration

The simplest OpAmp is the GA-CF configuration. It has been shown in
Fig. 7.1.2.b. with a single-ended output. To properly connect the
differential input to the single output a mirror connection was needed. If
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we want a differential output this mirror connection must be removed and
a common-mode output voltage control must be added.

Fully differential CMOS OpAmp with linear-mode CM-out control
A very simple CM output control circuit arises when we use CMOS

transistors in their linear mode as CM sensors. An example of a simple
circuit is shown in Fig. 8.1.1.a [8.1] [8.2].

Vgp
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Mg j[ C Vg2
800/3 ! 18V
800/1 800/1 e +
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Fig. 8.1.1.a: Fully differential operational amplifier with an GA-CF
configuration having common-mode output-voltage control
with CMOS transistors in their linear mode

The common mode output control consists of two transistors M, and M,
biased in their linear resistive region and connected at their drains with an
equal drain-source voltage Vpe=V)50=Vpso;0 0f only a hundred
millivolt, while the effective gate-source voltage V=V Vyy 18 larger.
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Vor=Ves V> Vs (8.1.1)

Under this condition, the channel is not pinched-off anywhere, and we
can write for the drain current

w 1
ID:PLCOXZ-VDX( VGT_EVDS) (812)

This relation is linearly dependent on V; or V. So, we connect one gate
Voo to one output V. and the other gate Vi, to the other output V.,
and we keep the sum of the two drain currents I,,+1,,,=1. constant, and
the drain voltages Vg, Vi €qual: Vyeo=V),,. The average gate voltage
(Voot+ Vi10)/2 will now regulate itself at the common-mode level V, of
the gate voltage V, of a model transistor M, that is driven with the same
current density as M, and M,,.

This follows from:

When we choose 1.=2 I,,, Wy/Ly=W,,/L,,=W,/L,, and

1.=1 +I,, =uC W9"°v VgtV =V
c~tpotipro=H oxL_ DS9,10< 619" Y G6TI0 Ds9,10) (8.1.3)
9,10
W,
2_1 D4 :'uCOXL_ VDS4(2‘ Vers™ VDS4> (8.1.4)

4
with Ve 0= Vpes we find:

(VGQ *Vei0f2=Vaq (8.1.5)
and hence:
(Vour-+Vour 2=Vey (8.1.6)

The result is a robust common-mode regulation of the output. A condition
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therefore is that no common-mode output signal current I,,q,= (I, +
I,,..)/2 is drawn from the output. Otherwise, we may no longer state that
Ipg+1p,,=I1.=2I,, This condition can normally be met by the
application.

A bandwidth of 80MHz was obtained with this simple fully differential
OpAmp at load capacitors of 1pF, an open DC gain of 70dB, a maximum
output current of 100pA and a quiescent current of S00uA [8.2].

A drawback of the circuit is that the output voltages cannot reach the
positive supply-rail voltage within a threshold voltage ‘Vm‘ of the p-
channel transistors M, and M,,. These transistors do not function for a
negative effective gate-source voltage |Vir|=|Vgs|-|Vy|. To use the
supply voltage range more effectively, we have to choose from the input
CM feedback control of Fig. 8.1.3, or the rail-to-rail buffered resistive
CM sensor of Fig. 8.1.4, or the resistive CM sensor of Fig. 8.2.1, or the
switched-capacitor CM sensor of Fig. 8.3.1.

Fully differential telescopic CMOS OpAmp with linear-mode CM-out
control

A simple CMOS differential telescopic GA-CF OpAmp with linear-mode
CM-output control is shown in Fig. 8.1.1.b. It has been derived from the
telescopic single-ended OpAmp of Fig. 7.1.3. The transistors M, and M,,
sense in linear-mode (V,3=50-100 mV) the output voltages and control the
CM output voltage at a constant level V,,,,, which is sensed by the model
control transistor M,,. The telescopic cascoded differential version has the
advantage of half the supply current over the folded cascoded version of
Fig. 8.1.1.a. A disadvantage is the somewhat limited input and output
range, as described with the single-ended telescopic cascoded OpAmp of
Fig. 7.1.3. The maximum positive output voltage should be limited to
Voo Visag 100 O Viy st Vi 2 Viar 1.2 Vo 3.4 » Whichever is lower.
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Fig. 8.1.1.b: Fully differential telescopic operational amplifier with
GA-CF configuration with common-mode output-voltage
control with CMOS transistors in their linear mode

Fully differential CMOS OpAmp with LTP CM-out control

A set of two long-tail pairs (LTP) can also sense the common mode
output voltage. An example of a simple circuit is shown in Fig. 8.1.2
[8.3] [8.4].

Two long-tail pairs My, M, and M, Mg, are connected with their gates
between the desired CM voltage level V,, and each of the output termi-
nals V,, and V , .

Each long-tailed pair has a non-linear transconductance. But if the non-
linearities of both pairs is identical, we can still accurately measure
differences in the input voltage of each pair. The sum of the output
currents of the transistors My, and M,, whose gates are connected to Vi,
is used to control the common-mode output voltages CM through M,
M;;, M,, This sum current is constant if the gate voltage of M,, moves
opposite to that of the gate voltage of M,;. This results in:
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V

Viso~Vas1=Vee2 Vass (8.1.7)

or

(VesoVes)2=Vast Vs 2=Vem (8.1.8)

Note that we certainly used P-channel pairs instead of N-channel ones to
avoid differences in g,, by signal dependent back-gate modulation.

The CM regulation of the circuit naturally has the same bandwidth as the
differential signal bandwidth.
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D'MM vou (D
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Fig. 8.1.2:  Fully differential operational amplifier with an GA-CF
configuration having common-mode output voltage control
with a set of two long-tail pairs

The circuit of Fig. 8.1.2 with long-tail pair CM-output-voltage control
works well in a certain output voltage range. The same drawback, or
even a little worse, is present as with control by CMOS in the linear
mode. The long-tail pair sensors do not work when one of the gates is
higher in voltage than one saturation voltage plus one threshold voltage.
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So, the circuit cannot effectively use the supply-voltage range for its
output voltage range.

Fully differential GA-CF CMOS OpAmp with input-CM feedback
CM-out control

If the application, such as a filter, includes overall positive DC CM feed-
back, the CM sensor can be combined with the input stage in a very
simple way, see Fig. 8.1.3 [8.5].
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=
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M13r4_“ MMl:“ B Vga
2 Vsn
Fig. 8.1.3:  Fully differential operational amplifier with an GA-CF

configuration and output CM control by input CM feed-
back

The input stage has been provided with two extra transistors in a com-
mon-source connection, having their gates connected to a desired CM
voltage V,, at the input, and their drains connected to the negative rail or
ground. If a positive DC feedback between the output and input exists,
the CM level at the output is regulated so that the CM level at the input is
equal to V, at the gates of My, and M,,.
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If the CM level at the input rises, the CM current in M, and M, is
lowered and taken away by My, and M, to ground. The result is that the
CM current in M; and M, increases. This pulls the CM level at the output
back down.

A very simple CM control can be made by regulating the CM level of the
input stage if the application has positive overall DC CM feedback. The
advantage of this solution is that the CM range at the output is not
restricted by a regulation circuit, and can approach an R-R behavior very
closely.

Fully differential CMOS OpAmp with R-R buffered resistive CM-out
control
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Fig. 8.1.4.a: Fully differential operational amplifier with an GA-
CF configuration having CM output voltage control
by an R-R buffered resistive sensor

If we could connect two equal resistors, one to each of the output
voltages, and control the common mode level by sensing the centre
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connection voltage between the two resistors, a nearly rail-to-rail (R-R)
output signal range would result. However, the connection of the resistors
between both outputs will ruin the DC gain. In order to avoid this we can
drive the resistors not directly by the outputs, but indirectly through R-R
buffers. This is shown in Fig. 8.1.4.a.

& Vsp
Mss\-_’“ EEM%
M, | mall
s7j| ™ i 7 Via
Ms4
Mse:“ j} 2 Vas
Ms1 Mss
Im50
Vout
V.
" Ims60
Me1 Me2
Msa
Me:;:“ jI 2 Vo
Msg
M57:] } j{ & Vb1
Mesri] i } ; Mes
2 Van

Fig. 8.1.4.b: Rail-to-Rail (R-R) voltage follower

The voltage on the centre point in Fig. 8.1.4.a of the CM resistors R,
and R, is sensed by the differential pair M;,, M;, and compared with the
desired CM voltage level V. The transistor M,, is connected as a diode.
A circuit example of an R-R voltage follower is shown in Fig. 8.1.4.b,
see also Chapter 4.

Two complementary differential, mirrored, and folded-cascoded trans-
conductance amplifiers M, - M, and My, - M have been connected
together at their outputs and connected as a unity-gain voltage follower. If
the total supply voltage is larger than two saturation voltages and two
diode voltages, which is normally the case at 2 Volt, at least one of the



374 OPERATIONAL AMPLIFIERS, THEORY AND DESIGN

differential pairs is functioning, and the output will follow the input
voltage nearly from rail-to-rail.

The transconductances g,,s, and g,,, are supposed to be equal. To this end
the W/L ratios of the P-channel transistors have been corrected for their
mobilities in regard to the N-channel transistors.

The transconductance of the circuit (g,s5,+£2,.6) 15 a factor two larger,
when the input voltage is in the middle between the supply voltages and
both pairs are functioning, than when the input voltage is closer to one of
the rail voltages and one pair g,,s, Or g, 1S cut off.

This results in a gain error change 4E;

AE = ~1/R (41 5(8 508 ms0) (8.1.9)

This means that the product R, (8,50 8&msy) Must be chosen much
larger than 1. However, if V,, is chosen in the middle, the error of one
buffer compensates that of the other, because both buffers switch from

2 g, to I g, at the same time, so the requirements are relaxed.

For HF stability of the CM feedback loop, it may be necessary that Ry,
and R, each are bridged by a small capacitor Cg,,; and Cy,. In general,
the bandwidth of the CM loop must be chosen as large as the bandwidth
for differential signals. This means that the inverse CM parallel resistance
1/Ry+1/Rey; must have the same value as the transconductance g;, of
the input stage.

If the HF loads at the outputs are balanced, the HF output signals will
stay balanced even if the CM loop is functioning only at lower
frequencies than the differential bandwidth. In that case the CM parallel
conductance I/R g, +1/Rq,, may be much smaller than g,,.

The CM control by an R-R buffered resistive sensor works fine for a total
supply voltage larger than two saturation voltages and two threshold
voltages, which is about 2V. A drawback is the extra circuiting and extra
supply current needed to do the job.
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8.2 Fully Differential GA-CF-GA Configuration

When we need an amplifier with a higher transconductance than we can
get with the GA-CF configuration, the GA-CF-GA configuration is a
good choice at low supply voltages. It also has an R-R output range
except for one saturation voltage at each rail. The high transconductance
allows us to load the output directly with common-mode feedback
resistors without losing too much gain.

Fully differential CMOS OpAmp with R-R resistive CM-out control

An example of a fully differential GA-CF-GA configuration with rail-to-
rail resistive CM-out control is given in Fig. 8.2.1 [8.2].
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Fig. 8.2.1:  Fully differential operational amplifier with GA-CF-GA
configuration and with a resistive CM output control
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The circuit is based on the compact CMOS OpAmp of Fig. 7.7.2. The
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two outputs V., and V,,, are sensed by a resistor string R, and Ry,
and paralleled by two small capacitors Cgy,; and Cgy, for HF stability of
the CM loop. The voltage of the central sensing point is compared with a
desired common-mode voltage V,, by the transistors M;,, M;, and Mj;.
The latter is connected as a diode. The CM output voltage is translated
into a current by R, and R, and fed through cascodes M;; and M;,
into the folded cascodes M, and M . The bandwidth of the CM loop

should be taken as large as that of the whole OpAmp. The latter one is:

fo/:gmj’o/zn(cmz+CM}2+CM21+CM22) (8.2.1)

The transconductance of the input stage g,,;, has the same value as in Fig.
7.7.2, but now it drives four Miller capacitances instead of two. The
transconductance of the CM loop circuit should therefore be taken equal
to %2g,,;, to obtain the same bandwidth, so:

1
Egm30: 1/(]‘/(gm51 +gm52) * 1/(]‘/RCM] * 1/RCM2)) (8 2. 2)

An example of the above circuit had a bandwidth of 7.5MHz at a
capacitive load of 5pF, a DC gain of 86dB at a load resistor of 10kQ, and
a maximum output current of SmA at a quiescent current of 450uA [8.2].

The circuit of Fig. 8.2.1 needs a supply voltage of two diode voltages and
two saturation voltages, which is in the order of 2V. If we would have
taken the circuit of Fig. 7.7.6 with the folded cascode summing circuit
as a basis for the differential OpAmp, a supply voltage of one diode and
two saturation voltages would have been sufficient, which is of the order
of 1.2V. In that case, the CM output control circuit in the right-hand part
of Fig. 8.2.1 has to be replaced by a folded CM output control circuit
which can function at 1.2V An example of such a circuit is given in Fig.
8.2.2. The resistors R, and R, may now carry a strong DC voltage
component, because the central point may only be one saturation voltage
away from the positive rail. This is compensated by the same voltage on
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the left-hand side of the compensation resistor R,;. At its right-hand side
the set point of the CM voltage V,, can be chosen. The DC currents
through the three resistors are generated by M;, through M, in excess of
the bias current /g;.

The use of current followers (cascodes) M, and M, for sensing the error
current at the CM point of the measuring resistors R, and R, has the
advantage of a better HF behavior of the CM feedback loop (current

feedback) than if we would have used a differential amplifier to sense the
error voltage at the CM point of the resistors [8.6].
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Fig. 8.2.2: 1.2 Volt CM output control circuit with folded cascode

Conclusion

The resistive CM output control fits well with low-voltage OpAmps with
two GA stages or more in cascade where the transconductance is large
enough to directly drive the resistive CM control resistors. It can be used
with the GA-CF-GA, GA-GA-GA, and even for the GA-GA-GA-GA
configuration.
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8.3 Fully Differential GA-GA-GA-GA Configuration

When more gain is needed, for example to linearize a heavy duty
loudspeaker output stage a fully differential OpAmp with an GA-GA-GA-
GA configuration can be used. Apart from CM output control with
resistors, switched-capacitors can also be used, as shown next.

Fully differential CMOS OpAmp with switched-capacitor CM-out
control

As a final example, a circuit is presented of a fully differential OpAmp in
an GA-GA-GA-GA configuration that has CM output control by
switched-capacitors. The circuit is shown in Fig. 8.3.1 [8.7].
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Fig. 8.3.1.a: Fully differential operational amplifier with GA-GA-GA-
GA configuration and CM output feedback control

The purpose of the circuit is to provide low-distortion at a relatively high
output power for audio applications. The large gain of four cascaded GA
stages and the double nesting around the output stage provide a high loop
gain around the output stage up to relatively high frequencies. The input
stage M;, M, is connected to a differential folded cascode stage with M,

Qg
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through M,. The two balancing second stages M,, through M,; with
indices A for the left-hand side and B for the right-hand side have a
mirror output to bring the phase back to positive. The third stages M,
through M,, with indices A and B respectively also have a current mirror
in the output. They drive the upper transistors. The lower output
transistors are driven in parallel with the third stages. This provides for a
multipath. This also provides a kind of very non-linear class-AB
behavior. The gain of the three or four-stage amplifier is so high though,
that the strong non-linear behavior of the output stage is sufficiently
linearized. The Miller capacitors C;, C, and C, shape the double-nested
HF compensation structure.

The CM feedback circuit is shown in Fig. 8.3.1.b.
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Fig. 8.3.1.b: CM output feedback control by switched-capacitors

The resistors have been replaced by capacitors C; and C, to control the
CM level. The switched-capacitors C,; and Cy, control the DC drift on
the central CM point by taking samples of a CM voltage V., and
frequently correct the control capacitors with the right DC level.

Conclusion

The fully differential power OpAmp has a bandwidth of 2MHz at a load
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of 200pF and 50Q. It has a maximum output current of 70mA at a
quiescent current of 2mA and at a supply voltage of 5V. The total har-
monic distortion at 1kHz is -86dB. The circuit functions well at a supply
voltage of 3V.

The circuit could also work at voltages as low as 1.2V if the CM
feedback had been devised with the 1.2V CM output control circuit of the
previous circuit Fig. 8.2.2.

8.4 Problems and Simulation Exercises
Problem 8.1

The fully differential amplifier in Figure 8.1.1.a has the transistors sized
as shown in the picture, as well as the biasing current sources. The
supply voltage is V=V, =1.5V and the transistors' parameters are
Viun=0.8V, Vpp=-1.0V, Ky=75uA/V?, Kp,=22uA/V?, Ay=Ap=0.1V".
Calculate the common-mode output voltage and check that M, and M, are
working in their linear region. Calculate the amplifier differential DC
voltage gain if all current sources Iy, I5,, Ip; have a parallel impedance
r..=200K(2 and the unity gain bandwidth if both outputs are loaded with
C,=IpF.

Solution

The common-mode output voltage, according to Equation (8.1.5), equals
the source-gate voltage of M, and M,, when no input signal is present.
The drain currents for M, and M,, are equal to those of the current
sources [y, and I; minus the drain currents of M, and M,. The current
mirror MM ;-M MM, makes the drain currents of M, and M, 100uA
each. Assuming M, and M,, work in their linear region, the common-
mode output voltage can be calculated by applying Equation (8.1.2)

I
Dy 1

\% +=V
THP " " DSY

59~V

GS10~
8.4.1
KPZVDSQ ( )
9



8. FULLY DIFFERENTIAL OPERATIONAL AMPLIFIERS 381

From the equation above it can be seen that a V¢ value is also needed in
order to calculate V. In this amplifier, the biasing circuit M,~M;-M, sets
the V¢ for M, and M,, to

vV

DS~ |4

vV GS11 (8.4.2)

GS9 ™~

These two equations can be used to write a second order equation with
only Vg, as unknown parameter

Ipg 1
Viso= W “VTHP+§(VGSQ_VGSU) (8.4.3)
KPZ(VGSQ_VGSIJ) o

9

Vs can be calculated considering M, saturated and knowing its drain
current

(8.4.4)

Solving Equation (8.5.3) and picking the positive solution

Vogo=1.37V
%

8.4.5
pso=VesoVesy =0 11V<V 500+ Vi, ,=0.36V ( )

The results show that both M, and M,, are working in the linear region
and that the common-mode output voltage is close to the middle of the
supply voltage. The differential DC voltage gain can be calculated taking
into account that half the input signal is amplified to one of the outputs
using half of the differential circuit, so
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Ayo=8 i csthi6™ (8.4.6)

The 0-dB frequency is given by the input g, and the load capacitor, for
each side of the differential output

_ gm]
fo 5

=300MH; (8.4.7)

L

Problem 8.2

For the fully differential depicted in Figure 8.1.1.b, the biasing voltages
Vp, and Vy, together with transisitors M through My and M,; through M|,
are sized for drain currents I, =1,,=100pA, I,;;=50uA and I,;,=50uA.
Design the common-mode control loop M, through M,, and M,,, M,, such
that the output common-mode level is placed 1.5V lower than Vj,.
Vi =-1.0V, K,=22uA/V".

p

Solution

The output common-mode is set by transistors M,, M,, which should be
forced to work in the linear region. For transistor M,,, which is the model
transistor for common-mode control, the equation voltage-current is

I
DI7
L Vit =Vpsi7
K 4 2
Py VDSI7
17

(8.4.8)
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As this transistor should stay in its linear region even when noise or
power voltages spikes are added, a safe margin for the difference
between gate-source effective voltage and drain-source voltage is

VisirtViup=Vpsi,+350mV (8.4.9)

Replacing the equality above in Equation (8.5.8) and considering the
requested common-mode voltage which is identical to Vg, the aspect
ratio of transistor M,, can be calculated

Lﬂz 11;17 0 (8.4.10)
17 (VGSI7+VTHP_EVDSH)KPVDSU o

Sizing of M, and M,, is made considering that in the linear region the
drain current is proportional to W/L for the same V)

=22 W 78 (8.4.11)

©
in
=S
S
N
th.,‘
2

This will produce equal Vg and V¢ values for all transistors working in
their linear region, keeping the source voltage for the saturated current
sources M, and M,, at the same value, so sizing for these transistors must
be in the ratio

W/LII :IDII _

W/L16 IDI6

(8.4.12)

The actual size for these transistors is calculated based on the needed
common-mode input range, which provides a minimum size for M/,.
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Simulation Exercise 8.1

The differential output amplifier shown in Figure 8.4.1 can be simulated
for AC analysis using the circuit in Figure 8.4.2. Run AC simulation for
gain and phase using the test circuit. An important factor in the func-
tioning of the circuit is the reference common-mode voltage V, which has
to be in a certain range to allow correct biasing of all devices. Use a
stepped voltage for V, to find the limits of this range by observing the
biasing of all MOS transistors. Change the input AC signal from differ-
ential to common-mode and measure the common-mode to differential
crosstalk. Change the test circuit to one suited for transient simulation,
using two feedback resistors and two resistors as voltage-to-current
converters at the input of the amplifier and simulate the resulted inverting
amplifier using a sinus differential voltage input to analyze the output
differential voltage range if a total harmonic distortion of 0.1% is

allowed.
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Fig. 8.4.1:  Telescopic differential amplifier
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Fig. 8.4.2:  AC simulation circuit for differential output amplifier
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9. OPERATIONAL FLOATING AMPLIFIERS (OFA)

With the definition of universal active devices in Chapter one we have seen
that the operational floating amplifier (OFA) is the most universal active
device, even more universal than the operational voltage amplifier (OVA),
abbreviated to OA or OpAmp, because of its most wide usage. The OpAmp
provides us with accurate output voltage control. Additionally, the OFA
provides us with accurate control of an output current, independently of the
output voltage. So, with the OFA we are able to create controlled current
sources. These can be used for the transmission of current signals
independent of ground or reference voltage differences and for instrumenta-
tion amplifier applications mentioned in Section 3.4 [9.1].

It may be as important to open up our mind to the more simple system
approach which the OFA offers over the OpAmp approach in many cases
[9.2]. Only after finding that the simple OFA system solution cannot be

implemented because of lack of good OFA realizations, a more complicated
system design with more OpAmps can be justified.

9.1 Introduction

The symbol for an OFA is shown again in Fig. 9.1.

Vsp Vsp

\ﬂ Ip Ip
- -
Vit +& 2+ Vo Vi +& 2+ Vo

Vo - OFA> ’

- Vo2 Vip - &
-~
/f Io2 Ip2

Vsn Vsn
Fig. 9.1.1: Symbol for an Fig. 9.1.2: Isolation barriers in an
operational floating amplifier OFA

(OFA)
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Ideally, the OFA should obey the nullor requirements, as explained in
Chapter one:

Vi~V Vg0, or Vo=V (9.1.1)
L +1,=21,,,~0 (9.1.2)
Io] +Ii2 :2Iobias +2101/Ho: 0, or 102;: #IOI (9 1. 3)

The equality of /,,=-I,, makes it possible to establish accurate external
current relations, in the same way as that the equality of V,,=V;; makes it
possible to establish accurate external voltage relations.

Practically, we can approach this by the following four requirements: high
gain, low input offset voltage and current, low input bias current, and a low
bias current at the output. We have seen in Chapter 2 that we could obtain
the dynamic input requirements by isolation of the input stage, while we
need not depend on accurate internal components. Similarly, we will see that
the dypamic output requirements too can be met by isolation of the output
stage and that we need not depend on accurate internal components.

Isolation of the input and output stages is symbolized in Fig. 9.1.2. Current-
source isolation is the way to go at the input stage as is shown in Chapter 4,
However, at the output stage current-source isolation is more complicated
than at the input stage. This is because of the need to supply larger output
currents. This is the topic of this chapter. In the first five sections, 9.1-9.5,
we will explore ways to obtain accurate current signals without having to
resource to a fully universal OFA. In the sections 9.6-9.8 the design of fully
universal class-A and class-B OFAs will be discussed.

Section 9.2 explains how simple unipolar three-terminal OFAs can be used
to realize unipolar voltage-to-current converters. Section 9.3 shows the
design of differential voltage-to-current converters using unipolar three-
terminal OFAs. Section 9.4 discusses how differential voltage-to-current
converters can be used to realize high-quality instrumentation amplifiers,
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without requiring universal OFAs.

Section 9.5 shows how an accurate universal voltage-to-current converter
can be realized without an OFA by using an instrumentation amplifier. In
Section 9.6 we see that current-source isolation can be used to realize class-
A biased output stages for high-quality universal OFAs. Section 9.7
discusses how the problem of designing a class-AB output stage, that is
isolated from ground, can be shifted to the use of a floating power supply.
Finally, Section 9.8 shows how difficult it is to design class-AB biased
output stages for universal OFAs. Only the use of an instrumentation
amplifier provides a high-quality solution.

9.2 Unipolar Voltage-to-Current converter
In many cases we use the OFA as a three-terminal element. In those cases,

the input nullator is connected with the output norator [9.2] to create a
voltage-to-current converter as shown in Fig. 9.2.1 and Fig. 9.2.2.

V=0 V= arbitrary

Tout I=0 1= arbitrary Lout
+ - e + - - + R

? | OFA 2 an®, (—~

" L * nullator norator *
Vin Vout Vin Vout

+ +
Ve | |G ‘IG Ve | |G ¢IG

Fig. 9.2.1: OFA connected as a
three-terminal element used as a
voltage-to-current converter

Fig. 9.2.2: OFA dissected in its
basic parts of a nullator and a
norator as a three-terminal element
used as a voltage-to-current
converter
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The circuit functions as follows: at the input of the OFA the input voltage
V,y is carried over at no loss, or followed by the voltage V; across a
conductance G. The current /; through G 1is carried over at no loss, or
followed by the current at the output 7,,,. So:

Vo=V
1.=V,.G (9.2.1)
Iout :IG = Vin'G

The result is a voltage-to-current converter in which only one passive
element G determines the V-I transfer.

The simplest realization of the previous idea is a single transistor. The
Ebers-Moll [9.3] model of a forward biased bipolar transistor resembles the
previous idea closely, see Fig. 9.2.3.

Gen. Tr. Mod. Tout Lout
————— ——————
BorG & O @ & CorD l——QCorD
T nullator norator BorG +
+ ﬁ—l T
Vin georgs  Vout Vout
- - Vin -
23 - EorS
EorS

T = Gen. Tr. Symbol

Fig. 9.2.3: A three-terminal nullator/norator combination closely
resembles the Ebers-Moll model for a forward-biased bipolar
transistor, but may also be used to model a CMOS transistor
in a generalized transistor model

The conductance g, for a bipolar transistor or g, for a CMOS transistor
models the forward transconductance. At one supply-voltage polarity, the
current is restricted to the regarding polarity. For this reason the transfer is
unipolar. The idealized transfer is:

Iout :gm Vin (9 2 2)
with: g, =g,, or g,=gs.
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The transfer is strongly non-linear, and depends on many process and
environmental parameters, because we are using only one transistor. The
model may be extended by the nodal parasitics.

Unipolar single-transistor V-1 converter
When we want to use the previous single-transistor for a linear voltage-to-

current converter, we may connect a conductance G in series with the
emitter or source of the generalized transistor, as shown in Fig. 9.2.4.

Gen. Tr. Mod. Tout Tout
g -
BorG CorD ‘____g CorD
+ + +
nullator norator BorG
g + ‘Z‘-—l T
e
Vin  EorS ‘IG Vout y. EorS ‘IG Vout
+ in +
- VG G _ VG G
@ ¥ -

T = Gen. Tr. Symbol

Fig.9.2.4: A unipolar voltage-to-current converter composed of a single
generalised transistor and a transconductance of G

The transfer of the circuit of Fig. 9.2.4 is:

1
= JU— V
=0 G/g,n) i (9.2.3)
If g, > > G, we may write:
Lo=GV,, (9.2.4)

The transfer is unipolar. If the output voltage is positive, the output current
can only be positive.
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Unipolar OpAmp-gain-boosted accurate V-I converter

For a higher accuracy we need to increase the g,, of the transistors and lower
their parasitic effects. This can be obtained by applying more internal gain
in a composite transistor circuit. The first approach is to use an OpAmp in
combination with a CMOS transistor, as shown in Fig. 9.2.5.

Fig. 9.2.5:  Accurate voltage-to-current converter consisting of an
OpAmp gain-boosted CMOS transistor

The elegance of the unipolar voltage-to-current converter in Fig. 9.2.5 is its
clear accuracy. The input voltage V,, is accurately followed by the voltage
V,; because of the high gain of the OpAmp OA,. The current /; is accurately
followed by the output current /,,, because of the good channel-to-gate
isolation and a presumably low input current of the OpAmp. The g,, of the
composite transistor is equal to the g,, of the CMOS transistor multiplied by
the gain A of the OpAmp. So the V-I converter has an accurate transfer
according to (9.2.5):

1
Iout_ (
1+A Glg

m

)VinzG Vin (925)

If the input of the OpAmp is able to reach the negative rail the voltage and
current through G may function down to zero. However, the polarity cannot
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be reversed. The transfer remains unipolar.
Unipolar CMOS accurate V-I converter
The OpAmp used may be simple. When we use the GA-CF CMOS OpAmp

of Fig. 7.1.2.b, the voltage-to-current converter with an GA-CF-VF
configuration of Fig. 9.2.b arises.

& Vsp
Moz I——' Mag
Tout
I { B Va2
o6

Mas F‘ +
|

1 M
]
|
ﬁ—l My Myp I
|
|
|

Mg
M23 :] Vgg

| +

Co :#: Vo U G

| -
Mas rtll-&r‘_“—ﬁ Vea :
& ' 23 2 Ven

Fig.9.2.6:  Accurate CMOS unipolar voltage-to-current converter design
with GA-CF-VF configuration

The example of Fig. 9.2.6 has a high accuracy. The error in the voltage-
follower function is low. It is equal to the reciprocal gain of the OpAmp,
which is of the order of 3.10°. The error in the current-follower function is
very low, because the channel of the output transistor is isolated from the
rest of the circuit by gate oxide. The OpAmp will probably be sufficiently
MF compensated by the parasitic stray capacitance at the gate of M,.

A unique attribute of the above voltage-to-current converter is that it fully
functions down to the voltage of negative rail. This allows voltages and
currents to be processed from zero.
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Unipolar bipolar accurate V-I converter

The bipolar counterpart can be derived from the GA-VF voltage follower of
Fig. 7.3.4 by eliminating the lower half of the output stage as shown in Fig.

9.2.7.
& Vsp
131=%1T¢g IB2='12‘IT$ <u—IOUt

p

Qq

Qo
Vine Qr Q2 ) H & Vou
e
+

e s

¥ Ven

Fig. 9.2.7:  Accurate unipolar bipolar Voltage-to-current converter with
GA-VF configuration

The voltage-to-current converter of Fig. 9.2.7 has several interesting
features. The collector current of the input transistor ¢;, has been used as
bias current for the output driver Q,. At the same time the collector of O,
has been nicely bootstrapped at the same voltage of the collector of Q,,, so
that the offset by the Early effect of the input stage is low. The base current
of the output transistor Q,, which is normally lost, has been retrieved again
by adding it through the driver Q, back into the output. Even the base
current of 0, has been retrieved again by adding it through Q,, and Q,, back
into the output. This adding-what-is-missing operation takes care of a highly
accurate current-follower function of the current in G through the output.
So, the high current gain of the three-cascaded bipolar transistors Q;;, O,
and Q, is not only used in the voltage-following feedforward path, but also
in the current-following path. Only the voltage across G cannot reach the
negative rail.
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Unipolar OpAmp accurate V-I converter

An interesting general approach to a unipolar voltage-to-current converter
arises if we use a low-voltage rail-to-rail (R-R) input/output OpAmp in one
of the following connections [9.4], see Fig. 9.2.8.a/b.

Tout
g

Fig. 9.2.8.a and b: Accurate unipolar R-R-in/out OpAmp voltage-to-
current converter using different OpAmps connec-
tions

The choice between the connection of Fig. 9.2.8.a on the left and Fig.
9.2.8.b on the right depends on the way the frequency compensation has
been organized. The internal frequency compensation capacitors should not
be shortcircuited by the external connections of input, supply, and output.
So, if the virtual ground of the frequency compensation is sitting on the
bottom (normally Vg, connection) then we should choose the right-hand
circuit of Fig. 9.2.8.b. If it is sitting at the top (normally V,, connection)
than we should choose the left-hand circuit of Fig. 9.2.8.a. The functionality
should not forbid a shortcut of the output to one of the supply rails. If so,
we can avoid a full shortcut by the connection of a diode, for example, in
between the output and one of the supply lines. See the application note of
the NE 5230 [9.4].

Regarding the accuracy aspect, it is clear that the only errors are: the input
offset voltage V,,; for the voltage-follower function, and the bias current
L., for the current-follower function. These errors may be very low, so that
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(9.2.5) is accurately true.

The output current is down-limited by the quiescent current of the OpAmp,
which also flows through G. If this is a hindrance, one has to go back to the
basic topology of Fig. 9.2.5.

Conclusion

The design of several accurate unipolar voltage-to-current converters have
been shown. Basically they consist of an OpAmp boosted transistor. CMOS
and bipolar realizations have been shown as well as a single OpAmp
realization. The restriction of these solutions is that the V-I conversion can
only be performed on physical unipolar signals. Physical bipolar current
signals may be processed by differential V-I converters, see Section 9.3, and
by using an instrumentation amplifier, see Section 9.4 and Section 9.5.

9.3 Differential Voltage-to-Current converters

When we need to provide bipolar current signals instead of unipolar signals,
we may apply the unipolar voltage-to-current converters of the previous
Section 9.2 in a differential way.

Differential simple V-I converter

The simplest unipolar voltage-to-current converter can be made with the
single transistor as a three-terminal OFA, as we have seen with Fig. 9.2.4.
If we balance the voltage-to-current converter, and bias it with current
sources so that the transconductance G may be used floating or isolated from

ground, the differential voltage-to-current converter of Fig. 9.3.1 arises.

If g,; and g,,> > G, the transfer is roughly:

od:

1
— | VGV,
1+2G/g,,,] o 030



9. OPERATIONAL FLOATING AMPLIFIERS (OFA) 397

V-G [Ry+ R4)V,~d (9.3.2)
with L,=I,,-I,, V,,=V,-V,

& Vgp
—

Io1 ; n . yoz

Vit o | T T, l_gVi
BiorG ! By or Gy

1

EiorS$ ——1"F+—&— EyorS,

e e

Fig. 9.3.1: A simple differential voltage-to-current converter with two
transistors as two three-terminal unipolar OFAs

Differential accurate V-I converter

For a high accuracy we have to increase the g,, of the transistors by artificial
internal voltage gain. This can be realized by an OpAmp as shown in Fig.
9.3.2.

The circuit is closely related to the principle of Fig. 3.4.3.
The transfer is:

1
1+2Glg A

nm v

I =G

oad

Vi G Vi (9.3.3)

1
VofG( T2 A (Ry+R V.= ~GR;+R,V,, (9.3.4)

oV
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With a relative error of:
E :;
rel. 1+2G/g A (935)

m v

The common-mode crosstalk ratio CMCR=1/H may be high. It is the
product of the isolation factor and the balancing factor (see Chap. 3.4 and
Chap. 4.3). The overall CMCR is:

G, AG
1 Y8 2V |1
H |G Gyl |H,
with:

G, = average in the parasitic conductances of I, and I,.
AG, = difference in the parasitic conductances of I, and I;,.
H,, = common-mode rejection ratio of OpAmp 1 and 2, respectively.

Z Vsp
-

Ios i + - ¢102
_ﬁ Vod B—

Viq + Vo1 Vo2 + Vip
OA, [: M, ng OA,
) " )

1

H,

+

(9.3.6)

2 Vsn

Fig. 9.3.2:  Accurate differential voltage-to-current converter with two
OpAmp-boosted unipolar voltage-and-current followers

Differential CMOS accurate V-I converter
The differential voltage-to-current converter of Fig. 9.3.2 can be realized

using the OpAmp circuit as shown for the unipolar voltage-to-current
converter in Fig. 9.2.6. This is shown in Fig. 9.3.3. However, insertion of
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the bias current sources /5, and I, prevent the common-mode input voltages
from reaching the negative rail.

This is not an obstacle, for instance if we want to read out a sensor like a
bridge circuit, which has its common-mode voltage level between the
negative and positive rail. But, if we need to read out a sensor like a
thermocouple which is grounded, then we need to adapt the circuit.

Me3 Il‘“qu ' M
sz
i
iz
V.
- | Moo i2
! Mz4
I
G -
s ——
M - M
Magjl———;]-}j“ My +Vg Mgy I:lﬂ:—[“ {:MSQ
I I
o Ol =l

M M
Ma; 32 - Pl 52 M
Vg3 Vi3 Vsn

Fig. 9.3.3:  Accurate differential CMOS V-I converter based on two
accurate unipolar voltage-to-current followers [9.5]

A

For instance, a level-shift can be built-in on both sides by inserting a diode
M;; and M,; in series with the source of M;, and M,,, respectively [9.5].
This allows differential voltage sensing around the negative rail voltage.

The circuit functions at a minimum supply voltage of 2.5V, has a bandwidth
of 3MHz, and a CMRR >90dB [9.5].
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9.4 Instrumentation Amplifiers

The design of high-quality instrumentation amplifiers requires the basic
function of an OFA, as we have seen in Section 3.4. However, interestingly,
we do not need a general-purpose OFA with physical bipolar voltages and
currents: a differential voltage-to-current converter (see Section 9.3) is
sufficient to meet out needs. But firstly we will see what we can do with just
Operational Amplifiers.

Instrumentation Amplifier (semi) with three OpAmps

When we need to design an instrumentation amplifier for the readout of
small differential signals with a large common-mode voltage, we would
probably first think of using the three OpAmp semi-instrumentation
amplifiers of Fig. 9.4.1. It has a bridge output amplifier OA; preceded by
a balanced preamplifier with OA4,; and OA,.

& Vsp

43 Vout
+

&z VoRef

2 Vsn

Fig. 9.4.1:  Semi-instrumentation amplifier with a bridge amplifier OA;
preceded by a balanced preamplifier with two amplifiers OA4,
and OA4,

The three-OpAmp semi-instrumentation amplifier has a voltage gain:



9. OPERATIONAL FLOATING AMPLIFIERS (OFA) 401

Av:Aw,z Ays (9.4.1)

The common-mode crosstalk 1/H depends on matching of the bridge
resisters and on the voltage gain:

1H=-ARG/Ry(-Ay;+ 1A, , (9.4.2)

For the explanation see [3.4] in Chapter 3.2.

The semi-instrumentation amplifier will probably work fine together with a
bridge-type sensor circuit. If the preamplifier stage OA; , has enough gain
Ay, ,, the common-mode crosstalk 1/H of the bridge amplifier OA; will
probably be negligible in regard to that of the sensor bridge itself. But, if we
do not need a high gain, and we do not want to trim the bridge resistors, we
have to find other solutions for designing high-quality instrumentation
amplifiers. The OpAmps themselves may have a high CMRR because of the
current-source isolation applied to the input stage (see Section 4.3). But,
OpAmps do not have an accurate fixed gain. For this reason the three
OpAmp instrumentation amplifier has feedback resistors around its
OpAmps. These feedback resistors are crossing the current-source isolation
barrier. And the value of the CMRR falls back on the accuracy of matching
(see Section 4.3).

If we want to design real instrumentation amplifiers without having to cross
the isolation barrier by feedback resistors, we have to make use of voltage-
to-current converters which have a built-in current-source isolation barrier
at their output. This will be described next.

Instrumentation Amplifier with a differential V-I converter for input
sensing

In the family of differential voltage-to-current converters of Fig. 9.3.2, a
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high input CMRR was achieved by the current-source character of the
output, while maintaining an accurate signal transfer without the use of
accurate matching. Hence, it is obvious to use the differential V-I converter
of Fig. 9.3.2 as an input stage for an instrumentation amplifier design. The
final problem to be solved is to shift the output common-mode level down
to an arbitrary reference voltage V; somewhere in between the positive and
negative rail voltages.

As a first solution, we may again use the bridge OpAmp for an output level
shift stage. This gives rise to an overall structure for an instrumentation
amplifier as depicted in Fig. 9.4.2.

2 Vsp
m Rs Ra t] Rs
1 g
+
OA3 Vout
+
1T ;’(5 VR
Re
Vit + + Viz
OA, [: My M2:] OA,
1
G =S
—J
+ Vg -
Iaw ? E? ¢I|32
2 Vsn

Fig. 9.4.2:  Instrumentation amplifier with a differential voltage-to-
current converter at the input and a bridge-type amplifier for
output-voltage level shifting

The overall voltage gain is:

AV:Vod/Vid:G(RS +R6> (9.4.3)

The power supply rejection ratio (PSRR) still depends on the balancing of
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the resistive bridge R;, R,, R;, and R in the same way as calculated in
formula (3.4). Calculated back to the input we find:

1/PSRR= —ARB/RB<AVPS+1)AV (9.4.4)

Ayps=RsR;

A clear disadvantage of this first solution is that the PSRR depends on the
matching of resistors.

Instrumentation Amplifier with differential V-I converters for input and
output sensing

In a second solution we largely avoid the dependency of PSRR on resistor
matching, but instead use the current-source isolation principle with two
differential V-I converters to sense the input voltage as well as the feedback
output voltage, and amplify the current difference to drive the output.

2 Vep
-
n
oA

Vn ~/ VO

+ & 5 +
Vig Vod

- h T £ e -

G, G,
IB1$? ?‘132 IBS‘? ?llm

& Van

Fig. 9.4.3:  Instrumentation Amplifier with accurate differential V-I
converters for input and output sensing

The current difference can be obtained by connecting the two differential
V-I converters in cascode on top of each other [9.6], or in parallel of each
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other. An advantage of the cascode connection is that we use the same bias
current for both V-I converters, which results in a lower noise than if we
would have connected the V-I converters in parallel. On the other hand, the
cascode connection needs more supply-voltage room. The latter is more
important today with even lower supply voltages than it was in earlier days.
Therefore, we have chosen for the parallel connection: an instrumentation
amplifier based on the parallel connection of two V-I converters, one for
input sensing and one feedback output sensing is shown in Fig. 9.4.3.

The instrumentation amplifier of Fig. 9.4.3 uses the absolute minimum
number of passive elements to determine the gain, viz. the ratio of two
conductances g; and g,.

The overall voltage gain is:

A,=G G, (9.4.5)

The common-mode crosstalk ratio CMCR has been described by (9.3.6).
This formula is equally valid to describe the CMCR at the output. The
instrumentation amplifier of Fig. 9.4.3 is the most precise one, but also the
most complex instrumentation amplifier.

The instrumentation amplifier of Fig. 9.4.3 has an interesting virtue, viz.
that residual gain and non-linearity errors in the input V-I converter largely
cancel equal errors in the output V-I converter.

Instrumentation Amplifier with simple differential V-I converters for
input and output sensing

It is a special attribute of the above instrumentation amplifier namely that
gain and non-linearity errors of one V-I-C cancel those of the other V-I-C.
We may exploit this special attribute to simplify the instrumentation
amplifier design by using simple degenerated differential transistor pairs as
V-I converters and set the gain by an overall feedback resistor ratio.

This principle is shown in Fig. 9.4.4. We use P-channel CMOS transistors
to eliminate back-gate modulation of their channels by bootstrapping the
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back-gates. A residual gain modulation by a g,, modulation of the CMOS
transistors, due to differences in common-mode voltage levels between the
input and output, has to be eliminated by using bootstrapped cascodes for the
input transistors. The voltage gain Ay is:

_Rs+R; R,
R

X

(9.4.6)

v
R 1

The voltage gain of the simple instrumentation amplifier of Fig. 9.4.4 is:

R+R,
A, =———, at R=R, (9.4.7)
R6
2 Vep
I—' VoRet
Rs
VO sense
B Rs
OA Vout
.
1
ﬁ} ¢IB4
2 Van

Fig.9.4.4: Instrumentation amplifier with simple differential V-1
converters for input and output sensing

This principle has been elaborated in the two following instrumentation
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amplifier realizations with a common-mode range that includes the negative
rail voltage.

Instrumentation Amplifier Bipolar with common-mode voltage range
including negative rail voltage

When we have to amplify differential voltage signals from sensors which
have one terminal connected to the negative rail, we can no longer use the
three-OpAmp semi-instrumentation amplifier design shown in Fig. 9.4.1,
even though the input OpAmps might have an input CM range including the
negative rail voltage. The feedback around the preamplifier stages prevents
the common-mode range from including the negative rail voltage.

A possible way out would be to use PNP, or P-channel emitter follower, or
source follower level-shift stages at the input. But these stages add additional
noise and offset. Besides, the three-OpAmp semi-instrumentation amplifier
has other drawbacks, as we have seen with Fig. 9.4.1.

2 Vgp
V,
RTS[E‘RMQ () BF Rzaﬁnmj] Rssﬁ Ras
A A N N KN K
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Viy RS
).‘rf VO sense
Vig I:JH1 —%2]_ T] Re
v \‘I VoRef
S (e TR e % Qyy Gzz j{ :‘4
Q31 |Qa2
#57 IB4$ VBS ‘ IBB‘
R31[|] Raz[‘] Iag
7 Vsn

Fig. 9.4.5:  Bipolar instrumentation amplifier with input common-mode
range which includes the negative rail voltage [9.7]
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Therefore, it is better to use PNPs or P-channel transistors directly as the
input transistors of simple degenerated V-I converters followed by a folded
cascode to realize a topology similar to that of Fig. 9.4.4. A bipolar design
[9.7] is shown in Fig. 9.4.5.

The bipolar input transistors have a high output impedance and do not show
much g,, modulation as a function of their common mode level. Hence,
cascoding of these transistors is not needed. Moreover, there is not much
voltage headroom for cascodes. If we set the voltage at R;; and R;, at about
200mV, the bases of the input transistors may reach about -200mV below
the negative rail voltage. When we specify a maximum differential input
voltage V,, of + 100mV we have to degenerate the input transistors by a
factor 4, which means that 4R, and %R, have a four times larger resistance
value than the emitter resistance 7, of the transistors Q,;, O,,, O, On..

The intermediate stage has Darlington transistors for a high current gain and
a high voltage gain because the output impedance at the collector of Q,, is
compensated for by the negative output impedance at the collector of QO
through the action of a bootstrapped current mirror by Q,,. The circuit has
been described in [9.7].

The output stage has Darlington transistors as an emitter follower. The
output can reach the negative rail voltage because the gain setting resistor
chain R;, R, is connected to the negative rail. The output is also referenced
to ground by the connection to ground of the output-sensing differential pair

0,; and Q,,.

The result is an instrumentation amplifier with an input bias current of
0.2uA, an input offset voltage of 0.3mV, an input noise voltage of
30nV/vHz, a CMRR of 90dB, a common-mode voltage range up from
-200mV below the negative rail voltage, and an input voltage range of
+100mV. The gain can be set between 1 and 1000 by R; and R,. The gain
error is typically 0,1% and non-linearity of typical 0.1%. The bandwidth is
IMHz. The minimum supply voltage is 2.5V [9.7].
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Instrumentation Amplifier CMOS with common-mode voltage range
including negative rail voltage

A basic circuit is shown in Fig. 9.4.6.
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Fig. 9.4.6:  Basic CMOS instrumentation amplifier with input common-
mode range including the negative rail voltage

The differential V-I converters in CMOS will have a lower accuracy than
in the bipolar circuit. There are two reasons: first, their maximum voltage
gain p is so low that the CMRR will be too low, in the order of 70dB

1_A
1H=-—x2F, (9.4.8)
"

see (4.3.4); second, their g, is modulated by the common-mode drain-
source voltage which prevents the gain error and non-linearities of the input
sensing pair being more accurately compensated for by the output sensing
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pair than 1%. Therefore, we have to cascode the CMOS transistors of the
differential V-I converters. We have done this in Fig. 9.4.4. But in that
case, we lost the negative-rail sensing capability because the cascode
transistors took too much of the negative headroom. To solve this problem
is too complicated to describe in this overview.

The output stage and class-AB biasing circuit have been explained with Fig.
5.3.21 and applied in the OpAmp circuit of Fig. 7.7.2.

The differential input voltage range has been chosen + 100mV. This means,
in the CMOS case, that the resistors R, and R;, need to have about the same
8. as the g, of M, and M,,.

The basic circuit of Fig. 9.4.6 has an expected accuracy of 1% and non-
linearity of 0.1%, a CMRR of 70dB, a noise of 30 nV/vHz, and a bandwidth
of 1-10MHz.

Instrumentation Amplifier simplified diagram and general symbol
There is a need to come up with a simplified schematic diagram and a

general symbol for an instrumentation amplifier. The first is given in Fig.
9.4.7, the latter in Fig. 9.4.8.

Z Vgp
e

Vi sense

IR UM oT S

o o mo on

Fig. 9.4.7:  Simplified diagram of an instrumentation amplifier with
differential current-to-voltage converters and ideal transistors
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Vsp

Vsn & Vor

Fig. 9.4.8:  General symbol for an instrumentation amplitier (IA) show-
ing gain setting resistors

Conclusion

In this section we have seen how we can realize highly accurate instrumenta-
tion amplifiers. A semi-instrumentation amplifier can be realized with three
OpAmps and a trimmed bridge circuit for obtaining a high CMRR. If we do
not want to use trimming for obtaining a high CMRR, we must rely on
current-source isolation. To that purpose, differential voltage-to-current
converters can be used to realize instrumentation amplifiers with a high
CMRR at the input as well as at the output. The instrumentation amplifier
circuit can further be simplified by using matching of the input and output
differential V-I converters. In this way, a bipolar and CMOS instrumenta-
tion amplifier have been presented having input negative-rail sensing
capability. Finally, a simplified circuit diagram and a symbol of an
instrumentation amplifier with V-I converters is given.

9.5 Universal class-AB voltage-to-current converter design
using an Instrumentation Amplifier

We have seen that a high-quality instrumentation amplifier can be realized
by differential voltage-to-current converters. Now we can use an
instrumentation amplifier (IA) to realize a high quality universal voltage-to-
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current converter. Universal means that signals with a physical positive and
negative polarity can be processed. Particularly if we want a class-AB
solution, a universal voltage-to-current-converter implementation with an
instrumentation amplifier is preferable over that with an OFA. This will
later be shown in Section 9.7.

Before using the real instrumentation amplifier, we will firstly use the semi-
instrumentation amplifier and see its limitations.

Universal V-I converter design with semi-Instrumentation Amplifier

A universal voltage-to-current converter can be implemented using a semi-
instrumentation amplifier, see Fig. 9.5.1. A measuring resistor R, is
connected in series with the output of the instrumentation amplifier and the
load. The differential output sense terminals V; and V, are connected across
Ry A buffer amplifier OA, is used to isolate output currents from bridge
currents. The differential input sense terminals V, and V, are driven with the
input voltage V;,.

Z Vsp
Ri vy, R3
V1 ,@‘ gy S | | ‘T V3
+
Vig Oh
+ / RM IO
- atp——
+
Ro Voy R4 _<A2 V4 °
2 Vsn

Fig. 9.5.1:  Universal voltage-to-current converter implemented with a
bridge-type semi-instrumentation amplifier

The voltage-to-current transfer is:
Gy=1/V,=-AJR,, (9.5.1)

with: A,=-Ry/R,
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The common-mode output conductance is:

1 Lo ViVer 1

G

OCM:ROCM v, Vo Rs HyRy 3.2
with: 1/Hp=-ARp/Ry(-Az+1)
ARy/Ry=1-R;R,/R R,
Ayg=-R,/R;
I/H y=-AR /R ;(-Ap+1) (9.5.3)

When we want to use the output to function in a large part of the supply-
voltage range, the voltage across the resistor R should be relatively low, say
0.5V at a supply voltage of 5V. If the input voltage V,, is chosen 1V, the
voltage gain A, should be set at -1/2, and hence the reverse voltage gain Ay,
is -2. At a nominal output current of 1 mA, the current-measuring resistor
R, must be 5004, and the voltage-to-current transfer 1,/V,, is ImSiemens.
At a bridge imbalance 4Ry/R; of 1%, the reverse crosstalk ratio 1/H), is
0.3%. This results in a common-mode output conductance of Gyq, of 3
pSiemens. If we want a lower output conductance, the bridge has to be
trimmed. Therefore, it is better to use a real instrumentation amplifier
whose common-mode crosstalk does not depend on matching. This is done
in the following paragraph.

Universal V-I converter design with real instrumentation amplifier

A high quality voltage-to-current converter can be realized with a real
instrumentation amplifier. This is shown in Fig. 9.5.2 with a simplified
circuit diagram for an instrumentation amplifier with differential V-1
converters, and shown in Fig. 9.5.3 with a general model. To this purpose,
we connect a measuring resistor R, in series with the output of the
instrumentation amplifier and the load. The differential output sense and
reference terminals are connected across R,,. The input voltage is connected
to the differential input terminals.
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Fig. 9.5.2:  Universal voltage-to-current converter with a simplified
schematic diagram for an instrumentation amplifier (IA)

Fig. 9.5.3:  Universal voltage-to-current converter with a general model
for an instrumentation amplifier (IA)

The transconductance of the voltage-to-current converters of Fig. 9.5.2 and
Fig. 9.5.3 is:

G,~AJR,, (9.5.4)
with: A, =R,R,
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In the case of R,/R,=1, as was used with the differential input amplifiers of
Fig. 9.4.4, Fig. 9.4.5, and Fig. 9.4.6, the G,, equals //R,,.
The common-mode output conductance is:

Gocy = VVH Ry, (9.5.5)

The common-mode rejection ratio H for the output differential sense
amplifier has been calculated with (9.3.6). The common-mode output
resistance Ry, =1/G ey, can easily be a factor H=10" larger than that of the
measuring resistor. This is a much better result than with the semi-
instrumentation amplifier of Fig. 9.5.1 without trimming.

For the realization all designs of real instrumentation amplifiers can be used
of Fig. 9.4.3, Fig. 9.4 4, Fig. 9.4.5, and Fig. 9.4.6.

Conclusion

We have shown in this section that the instrumentation amplifier with
differential V-I converter can be used to realize high-quality universal
voltage-to-current converters which function for physically positive as well
as for negative input and output signals.

9.6 Universal class-A OFA design

In this chapter the design of universal class-A OFAs will be treated. The
main goal is to design an OFA with output currents obeying the relation
Iy, +1,=21,,.+21,/H,=0, or 1,,=-1,. This can be achieved by a floating,
1.e. 1solated, output stage. On a chip it is realistic to obtain the above by
current-source isolation.

Universal class-A OFA design with floating zener-diode supply

A first approach could use current sources and zener diodes to create a kind
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of an internal floating battery [9.8]. This can be seen as a rough realization
of the idea of a floating power supply presented in Fig. 9.1.1. This approach
1s shown in Fig. 9.6.1.

If we take the upper supply current source /,, equal to the lower one I, a
floating supply voltage V= V-V, will result across the zener diodes Z,,
and Z,,. The diodes will take the excess current which is not needed by the
OpAmp. The result is that the output bias current 7 , is nearly zero.

BNV
Iop ¢ $ SP
Vp

+ & lo1 lo2 Zp1
Vig OA4 + v
- B— Vo1 od Vo2 Zoo

IoN¢ $ v

Fig. 9.6.1:  Universal class-A OFA realization with an OpAmp and
floating zener-diode supply

1

ol +l

o2 Aoy ~Top=21,,+21 ,/H ;=0 (9.6.1)

102 = _101 +210b +2101/H0: _Io] (9 6. 2)

The zener diodes divide the total supply-voltage range into one across the
OpAmp for V, and one what remains in between the supply rails and the
zeners. For this reason we lose at least a factor 2 in the total output voltage
range [9.8].

Universal class-A OFA design with supply current followers

When we want to avoid the voltage loss of the fixed voltages across the
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zener diodes, we may exchange the zener diodes for current followers as
depicted in Fig. 9.6.2.

These current followers catch and send the supply current of the OpAmp
into the second output terminal. The output supply-voltage range can now
be extended close into the rails. Moreover, the voltage swings across the
total supply current sources I, and I,y are now regulated constant by the
cascodes M, and M,, which helps to make these currents signal independent
and which enlarges the common-mode output impedance.

% Vsp
IOP¢ Va1
Vp |

+ g Io1 To2
Vig OA4 VN

Fig. 9.6.2.a: Universal class-A OFA realized with an OpAmp and supply
current followers (CF)

Not all OpAmp supply currents need to be provided by the total upper and
lower supply current sources, only the current for the output transistors. A
first approach with a voltage follower output stage is shown in Fig. 9.6.2.b.

The formulas become very clean now:

Io] +102 :IOP _ION :21017 +2[01/H0:: 0 (9 6. 3)

1,,=-1,,+21 ,+2I /H =~y (9.6.4)
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Not only the supply-voltage range has been used efficiently now, but also
the bias currents /,, and I,y are used as efficiently as can be in class-A. If
the total positive bias current /,, is used for -,;, the total negative bias
current I, will automatically be used for /,,. This supposes that M; and M,
are properly biased in class-AB by Vy; and V,,, see Fig. 5.3.2.a/b.

- é - é jjvmzvsp
Mej]—l—[—| M

L o

Fig. 9.6.2.b: Universal class-A OFA realized with a VF output stage of an
OpAmp and current followers (CF)

Universal class-A OFA design with long-tailed-pairs

An alternative output stage to the one with the current follower arises when
we use a long-tailed-pair as output stage [9.9]. This is shown in Fig. 9.6.3.

The long-tailed pair functions as a pair of communicating vessels for
currents between the two output terminals. The output bias current 1, and
the output current rejection ratio H, determine the equality of the output
currents /,; and -/ ,:

1,41 =L op1 Hlopy L op3 L opa =21, +21, /H 20 (9.6.5)

102 = _101 +210b +2101/Ho: _Iol (9 6. 6)
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The way one output current is guided towards the other can clearly be seen.
If we follow the output signal current /;, we see that it is blocked by the
current source /,p; from flowing into the positive supply. /,; is forced to
flow into M, and M, to the other output terminal as -/ ,. On its way there is
no escape, because I,p;, Iop, and I,p, block its way toward the supply rails.
The result is a very high output common-mode current rejection ratio H,,.
The feedback through external connections, like the current follower of Fig.

1.9.b, take the OFA into its functional working mode.
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Fig. 9.6.3:  Universal Class-A OFA realized with a long-tailed-pair
output stage

It is interesting that the accuracy of the output stage is even maintained when
we use bipolar transistors. We can see this when we go through the long-
tailed pair. Going from the left to the right output, we add the base current
1/p, at emitter of Q, and lose 1/43, at the base of O, [9.9].

A disadvantage of the single long-tailed pair is still that we can only use a
half of the total output bias current I, +1,p, and I, +1,y, for one output
current /,; and /,,. A more efficient use of the bias currents can be made if
we use a P pair and an N pair together as depicted in Fig. 9.6.4.

The main design problem is the realization of the floating voltage sources
Vy; and Vy,. These have to follow the supply voltages. We will present two
approaches to this problem. In the first one we will drive the lower output
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transistors directly, and then cross the supply voltage and drive the upper
output transistors indirectly. In the second approach we will use a similar
mesh-drive circuit as we did for the R-R output stage of Fig. 5.3.21.a/b.
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Fig. 9.6.4:  Universal class-A OFA realized with two push-pull comple-
mentary long-tail pairs

A first complete CMOS class-A OFA design is presented in Fig. 9.6.5. The
lower output transistors M;;, and M;, are fed by a lower current source
transistor M;s. The upper output transistors M;; and M;, are fed by an upper
current source transistor M. The output transistors function as cascodes for
these upper and lower current-source transistors for a high CM output
impedance. A model bias stage accurately equates the currents through the
upper and lower current source transistors. It is scaled down in current by
a factor 1/N in regard to the output stage, with transistors M, through M,,.
The model bias circuit also has the task of differentially driving the upper
output transistors in opposite direction in regard to the lower output
transistors. In this way the total output bias current is optimally used as
maximum positive and negative output currents. Miller capacitors C,,, and
C,, take care of frequency compensation. The input stage is followed by a
folded cascode stage. This cascode stage with transistors M,, through M,
provides a high internal voltage gain A,;. In the order of 10* this is equal to
the g,, of the input pair multiplied by the differential output resistance r, of
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the folded cascode stage.
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Fig. 9.6.5:  Universal Class-A OFA design with a push-pull complemen-
tary pair of long-tailed pair output stages and a model bias
stage

This provides the OFA with an overall transconductance G,, which is equal
to the internal voltage gain A,; multiplied by the transconductance g, of the
lower output long-tailed pair transistors and doubled by the upper output
long-tailed pair transistors as they are driven by the model bias stage.

The results are:
Gm :2Avigm4’ (9 6. 7)

with A,=g,17 (9.6.8)

A feedback loop through the lower output transistors and the gates of M,
and M,, equates the upper and lower common-mode currents in the folded
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cascode-stage. The differential output impedance may not be that high due
to the common-source connections of the long-tailed output pairs. But the
series connection of the feedback around the output takes the output
impedance to high levels, see Chapter 1.3, 1.4. A completely alternative
design is presented in Fig. 9.6.6. The output transistors are driven in
opposite phases by the meshes Mj,;, M, and Ms;, M5, as explained with Fig.
5.3.21.a/b. However, the output transistors do not have their sources
connected to the supply rails but to the current sources M;s and M.
Resistors R, Ry, and Ry in the diode bias chains Mg;-Ms provide for the
extra head room for the current sources. The current sources give the output
transistors a class-A bias instead of class-AB bias. The positive and negative
current sources through M, and M;; are equalized by the model bias circuit
M, through M. The rest of the explanation is similar to that of Fig. 9.6.5.
The advantage of this alternative design over the previous one is a slightly
better HF behavior because the upper output transistors are in parallel driven
with the lower output transistors by the meshes. Whereas in the previous
design, the upper output transistors are indirectly driven through the model
bias stage.

The output voltages can approach the rail voltages except for one diode and
one saturation voltage. The common-mode current rejection ratio at the
output H, is easily higher than 10*. That determines the dynamic equality of
the output currents. The output bias current 7, is of the order of 0.5% of the
bias current sources I, and /. This determines the offset between the two
output currents. The bandwidth can easily be several tens of Megahertz.

The OFA of Fig. 9.6.6 has some similarities with the differential OpAmp
of Fig. 8.2.1. In that case the two output voltages were regulated equally but
opposite to each other in regard to a reference voltage. There we needed two
equal resistors to regulate the output voltages equally and the equality
depends on the matching of the two resistors. With the OFA the output
currents are regulated equally but opposite to each other. This does not
require matching of elements, apart from offset, because of the nature of the
OFA.
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Fig. 9.6.6:  Universal Class-A OFA design with a push-pull complemen-
tary pair of long-tailed pair output stages and a model bias
stage

Conclusion

In this section the designs of high-quality class-A OFAs have been
described. These OFAs can be used in precision instrumentation applications
where a free output signal current is desired at a high output impedance,
with a signal-to-noise ratio of 120dB in the audio frequency range, while a
bandwidth can be obtained of several tens of MHz. When used for the
composition of gyrator filters, a quality factor Q higher than 1000 can be
obtained [9.9].
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9.7 Universal class-AB OFA realization with power-supply
isolation

A first approach to solve the problem of designing a class-AB output stage,
that is isolated from the supply-power ground, is the use of a power supply
that is isolated from ground, i.e. floating [9.1]. This solution is depicted in
Fig. 9.7.1.

Vit + g—
Vi - g——

Fig. 9.7.1:  Universal Class-AB OFA realization with one OpAmp and
a power-supply source that is isolated from ground, i.e.
floating

If the input current can be disregarded, no output current can leak out of the
mesh through the output stage and power supply, so the output currents must
obey:

Lp=lsp=Igy=-1,
I,--1, (9.7.1)
I 1 +Io2 :zlobias +2I01/H0 =0

This means that the output current /,,, which sources out of one mode, must
be accurately equal to the output current -/,,, which sinks into the other
mode, without depending on accurately matched components. If the output
stage of the OpAmp is biased in class-AB, the whole OFA is biased in class-
AB. A shortcoming of the circuit of Fig. 9.7.1 is that the maximum
differential output voltage V,, is limited to half the total supply voltage
V=V + V. This can be avoided by using a fully differential amplifier as
presented in Chapter 8.
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Universal floating power supply design

In this section, the problem of realizing an isolated or floating output port
has been shifted into the problem of realizing a power-supply source which
is isolated from ground, or floating with regard to ground. This is a problem

in itself. But it is realizable. Even on a chip, one can for example use the
method of "flying" capacitors, see Fig. 9.7.3.
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Fig. 9.7.3:  Realizing a floating power supply source by the method of
"flying" capacitors

~

.

When no external capacitors may be used, relatively small on-chip
capacitors allow for a small supply current. In some extraordinary cases an
external battery or solar cell could be used.

Conclusion

Power-supply isolation is an escape to shift the problem of a floating output
stage into the supply of an OpAmp circuit. Realizing a floating supply
source is often not easy and may be expensive. For low output currents the
method with flying capacitors can be used on chip.
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9.8 Universal Class-AB OFA design

The final task in designing universal OFAs is to provide the output stage
with class-AB biasing without using a floating power supply. We will see in
this section that class-AB biasing is not easy for OFAs. We will approach
the problem systematically. In Fig. 9.8.1 the situation is depicted by the
currents in four output transistors of an OFA.
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Fig. 9.8.1: General push-pull configuration of an OFAs output stage

.Class-AB biasing means that the total positive and negative output currents
I,p and I, are strongly changing between their quiescent value /,, and their
maximum value /,,,. This changing must be allowed while the OFA requires
that /,, remains equal to 1 ,. This can be written-out into three equations:

Loy~1op=21,,+21,,/H =0 (9.8.1)

1

M2 -1

o s Ty3=20 %21,/ H =0 (9.8.2)

Io] +102 :210b +2101/H0z0 (9 8. 3)
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(See for I, and H, Section 2.4).

Each of these three equations gives rise to a class-AB OFA realization. In
the following designs we start from the first formula, then the second one,
and finally the third one.

Universal class-AB OFA design with total-output-supply-current
equalization

In the first realization we use, for example, a mesh of two Operational
Amplifiers, measure the total positive and negative supply currents and
equalize them. That situation is drawn in Fig. 9.8.2.
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Fig.9.8.2:  Universal class-AB OFA realization with total-output-supply-
current equalization

The diodes M, and M, measure the positive and the negative total supply
current /,, and I, respectively. These currents are reproduced in M; and
M,, respectively, at a reduced level by a ratio of 1/N. The second OpAmp
OA, senses the differences in I,;; and I,,, at its positive input terminal and
drives the output in such a way that /,;; and I,,, are equalized, and so are I,
and /,,, as we hope.
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An advantage of the use of this class-AB OFA is that the output bias current
21,=1,+1,,1s low, when the output currents themselves are low. Also the
output bias noise current is low in that case. So the dynamic range of a
voltage-to-current converter with such a universal class-AB OFA may be

high, i.e. more than 140dB.

However, a problem arises by the fact that the transistors M, through M, are
not perfectly scaled, or have different drain-source voltages, or different
threshold voltages. This results in a non-linear current transfer as shown in
Fig. 9.8.3. Say that the current /,, through M, is 6=1% smaller than I,
through M, and that we disregard the bias currents of the OpAmps, then the
output current -/, is 1% smaller than / ; at a positive value of I, but -1, is
1% larger than [, at a negative value of ;. This means a kink in the
transfer of -1,,=f(l,,) at zero current.

We can explain this also in a different way:

1,=-1,+8|,,|, and 1/|H,|=5/2 (9.8.4)

01”

When [, is physically positive, it is measured and processed by /. At the
same moment /,, is physically negative and is processed by I,,. If the
polarity is reversed the elements that process each of these currents change
position. For this reason positive 7, currents are processed in another
relation with 7, than negative I , currents are.

The result is a strongly non-linear signal transfer at zero current. If such an
OFA is used for audio signals, a noticeable distortion will be heard. If such
an OFA is used for filter applications, such as gyrator filters, see Fig. 3.11,
then an instability of the filter characteristic will be found at quality factors
Q larger than 1/0. This effect is depicted in Fig. 9.8.3.a and b.

The non-linearity will be partly masked for small signal currents within the
class-A-biased range of the OpAmp in which the total supply current does
not change much.
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We may, of course, trim the transistor matching of the class-AB OFA of
Fig. 9.8.1. If we do this, we can combine the advantage of a high dynamic
range with a high linearity. But trimming is costly. We can first try to find
a better way.

T 7/
-1 2T arctg (1 7
0 1 i g( )\ //
v/
/s

1 v
Io1+Io2:210bT //\
// arctg (-To2/151)
Y,
4 Ioq
\ :
2Igp =Io1+1o2 \7\

V arCtg(5= 2102/101)

Fig. 9.8.3.a: The non-linear relation between the two output-currents 1,
and I, because of a mismatch of J between the current-
determining transistors

)
jg

T T T i l
0.97 0.98 0.99 1.00 1.01 1.02 1.03

fo (t/15) —=

Fig. 9.8.3.b: Amplitude characteristics may become instable, while using
frequency filters of higher quality factors (1),(2), and (3)
while using class-AB OFAs based on the topology of Fig.
9.8.1 with total-output-supply-current equalization
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Universal class-AB OFA design with current mirrors

The second approach is to find a circuit realization functioning according to
the equation (9.8.2) in which the currents in /,;, and I,,, are equalized with
the currents in I, and I,; [9.10]. We are able to do so by diagonally
connecting current mirrors, as shown in Fig. 9.8.4. We may expect errors
in the signal transfer of the order of 0.5% due to inaccurate matching of the
inaccurate mirror transistor characteristics and due to voltage dependent

early effects. This also gives rise to non-linear distortion of the order of
0.5%.

& Vsp
My N2 g M7 M3
1M1¢ :]—l__[*_lt ¢1M5 IM7$ ijN_”f ‘Ima
+¢——T ﬁ I°—2>
Vig OA>—@ + >< - F—
- g—) Vo1 Vo2
e J?—ﬁw e ET”: g
M2 N:1 Me Mg My
2 Vs

Fig. 9.8.4:  Universal class-AB OFA realization with diagonally con-
nected current mirrors

Looking to the OFA circuit of Fig. 9.8.4 we might ask ourselves if we could
not avoid mirroring the current signals twice. When we only mirror once,
another functional block arises: the operational mirrored amplifier, or OMA
[9.11,9.12,9.13,9.14]. The circuit is shown in Fig. 9.8.5.

The OMA can, as well as the OFA, be used for universal voltage-to-current
converters. The output currents are now equal

102 +Io] =0 I Io]

, and 1/|H |=8/2 (9.8.5)
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Fig. 9.8.5: Universal operational mirrored amplifier (OMA) realization

The mismatch J between the two currents is again caused by transistor
mismatch, which gives errors and non-linearities in the order of 0.5%.

Though the polarity of the two currents are equal in the OMA, while the
OFA has currents with opposite polarity, the OMA can nearly be used in all
OFA applications. The advantages and disadvantages of the current-mirror-
matching methods are equal to the supply-current-matching methods. This
means that a high signal-to-noise ratio for the output current signals can be
obtained, but that a strong non-linearity kink occurs in the zero current
point, and that filters may become instable at high quality factors. Only
trimming can alleviate these problems for class-AB biasing.

The non-linearity will be partially masked within the class-A region of the
class-AB biasing for small current signals.

Notice that we still have to carefully cascode the current mirrors to avoid
significant voltage modulation errors in the current transfer.

Universal Class-AB OFA design with output-current equalization

The third approach uses the first equation (9.8.1) by which the output
currents are directly measured and equated. The way we can approach this
1s to insert current-measuring resistors R,;; and R,,, in the output terminals
and measure the difference between the voltages V,,; and V,,, across these
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resistances, and finally equate these voltages. The differential voltages
across these resistors can only be measured with an instrumentation
amplifier, having a high CMRR for the differential input voltages, while
being able to accurately process the difference, see Fig. 9.4.3 through Fig.
9.4.8. A practical way to depict the situation is given in Fig. 9.8.6.

)| 1
\7 £ Rum1 <2 —>c; Rmgz o
id OA4 1} %] — Ao
- - T1 T2 V0 1 V02 T3 T4 +

D, D, (¢
Mo ot Y 9 |

Fig. 9.8.6:  Universal class-AB OFA realization with output-current
equalization by means of an instrumentation amplifier

The instrumentation amplifier with 7, through 7, and OA,, see Fig. 9.5.2,
measures the voltage difference across a measuring resistor R,,, in series
with the output of an OpAmp OA,. The instrumentation amplifier is
connected as a voltage-to-current converter with a measuring resistor R,,, in
series with its output amplifier OA,. The two end terminals of R, and R,
give shape to the two output terminals of the universal class-AB OFA with
V,; and V,,. The output currents /,, and /,, obey the third OFA equation
(9.8.3).

Very essential now is that the same physical elements R,, R,;, and R,, R,,,
that measure the output currents in one polarity also measure the output
current if their polarity reverses. This means that the current relation
between [,; and 1, is basically linear. Only a linear scaling factor o occurs.
For this we may write:
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1,=-ol ,=~I, ~(a-1ly,=-1+3I (9.8.6)

1,,+1,=81 ,=21 ,+2I [H , and 1/H =5/2 (9.8.7)

We have a linear output current relation. There is no kink in the current
transfer, nor an instability in filter characteristics at high quality factors.
With these OFAs we can have a signal-to-noise ratio of the output currents
in the order of 100dB. The output current rejection ratio H, is half the
mismatch of the resistors.

Universal class-AB voltage-to-current converter with instrumentation
amplifier

One simplification is obvious, though. If we need the OFA for realizing the
function of a voltage-to-current conversion, we do not need the full OFA
construction of Fig. 9.8.6, but the connection of an instrumentation
amplifier with a current-measuring resistor R,, in series with the output, as
shown in Fig. 9.5.2, satisfies our need. It is shown again in Fig. 9.8.7.

ﬁﬂs . ﬁ ) 2 Vsp
O, Vo
v g d Vos
) O )
N —1
A AL S i B

Fig. 9.8.7:  Universal class-AB voltage-to-current converter with
instrumentation amplifier

With an instrumentation amplifier, a high-quality universal class-AB
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voltage-to-current converter of Fig. 9.8.7 can be obtained. Without
trimming, an output impedance of more than /0°R,, can easily be obtained,
at a non-linearity error of better than /0, a bandwidth of several tens of
MHz and a signal-to-noise ratio of 120dB.

Conclusion

We have seen in this section on universal class-AB OFAs that the
combination of class-AB biasing and non-linearity cannot easily be met.
Based on the way the output currents can be equalized, three possibilities are
open.

Supply-current equalization and current-mirror equalization both show a
non-linear kink in the current transfer at zero current. This gives rise to
audible distortion when these circuits are used to process audio signals.
Instability may occur when used in filters with a high quality factor. By
trimming the non-linearity can be reduced. For small current signals the
non-linearity is masked in the class-A region of the class-AB biasing. The
signal-to-noise ratio of the relation between the output currents can be high.
Current-mirror equalization leads to simple circuits.

Output-current equalization using an instrumentation amplifier achieves a
high quality and highly linear result. A simplification can be made here. If
we only need the function of a voltage-to-current conversion, we do not
need the full OFA architecture, but an instrumentation amplifier connected
as a voltage-to-current converter can do a high-quality job.

9.9 Problems
Problem 9.1
For the instrumentation amplifier in Figure 9.4.6, calculate the common-

mode rejection ratio CMRR if the input transistors M;, and M, can have a
processing-induced threshold voltage difference 4V,,=3mV. The circuit is
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biased at I;; =1p3,=Ip5=1ps=50pA, 105, =100uA, and the devices in the
signal path are sized with W/L,,=W/L,=W/L,,=W/L,,=100p/2u,
W/L;,=W/L;s=40u/2u, W/L;s=W/L;;=30u/1pu, W/L,,= 3.5W/L ,,=70u/1p.
Source degeneration resistors are all equal to R,,=R,, =R,;=R,,=5K(.
Transistor parameters are Vpyy=0.5V, Vpp=-0.6V, K,=56pA/V*,

Ko=16pA/V?, Ay=Ap,=0.1V".
Solution

According to Equation (4.3.4), the CMRR limit due to disbalancing of an
input stage is
2

CMRR=-+_ 9.9.1)
Ap

Because the mirror M,;~M ;4 repeats I, effects in [, as well as in I;, there
is no common-mode to differential crosstalk in the folded cascode stage, so
the input stage voltage gain u is the only gain factor which degrades CMRR.
The variation of p for the input stage due to the given 4V, under the
assumption of a small threshold voltage change from M;, to M,, is

dp
thh

Ap=——AV, (9.9.2)

In the equation above, an expression for the voltage gain p as a function of
V., 1s needed to calculate the finite differences. The voltage gain of the input
stage is given by its equivalent G,, and its equivalent G,

m

(9.9.3)

where the conductances are given by
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Gm: 1 1
R+
%%
Ko Ton (9.9.4)
1 1
— =R, =p R +——
ds Mp,

The variation of p for a small change in V,, is given by

d " _ dGm dRa’s

R, + G
av, av, © av, " (9.9.3)

th

The derivative of G, related to V,, will be

dGm dGm dIDI 1
av, dlp,, dv

th

(9.9.6)

Combining G,,(Iy,,) and I,,,,(V,,) for transistors working in saturation region,
Equation (9.10.6) becomes

dR,,
av,
1 w 1 1
EKPT(VSGH “Vip) N 5 7 9.9.7)
11 3

w
2KP_ID11 1
11
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The derivative of R related to V,, will be

des des dIDI 1
av, di,,, dv

th

(9.9.8)

The expression of R, as a function of I,,,, gives a derivative

deS_

av,

w (9.9.9)
W 1 \ 2KPL_ID11 1
1
_KPL_“(VSGII+ THP)(2 X = )
DI

Numerically, the parameters involved in calculating CMRR are

m

R+

G - 1 ~100pA/V

k.

P D11
Lll

L _s00kQ

R, =, R, +
g (9.9.10)

dGm
=200pA4/V?
th

dR
=3.2MQIV

th
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pn=80

d
Au=ﬁAVM=1.44

th

Replacing these numbers in CMRR expression gives

2
CMRR=2—=734B (9.9.11)
Ap

It is worth noting the strong degradation of common-mode rejection due to
an apparently small variation in threshold voltage. In a real implementation
this number will be further degraded by additional geometrical mismatches
and by the finite impedance of the biasing current source.

Problem 9.2

For the voltage-to-current converter in Figure 9.5.1, calculate the typical,
maximal and minimal transconductance G,, and the highest common-mode
output conductance for resistors sized as R, =R,=10KQ, R;=R,= 30KQand
R, =10k{. The resistors are matched within M=2% and their absolute
tolerance is AR=10%.

Solution

The Equation (9.5.1) gives the expression of this circuit transconductance
(9.9.12)

The matching of resistors R; and R, affects the voltage gain 4, while the
tolerance affects the value of R,,. Thus the limits of G,, become
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R 1
G, =—2(1+M)———=340uA/V
Mmax Rl( M>RM(1—AR) :

B soouary
lVI)typ——;51——'1{[;w 2 (99]3)

R, 1 ~
Gy =— (1 ~M)—————=26TpA/V

R, R,(1+AR)

It is easy to note that most of this error is induced by the high tolerance of
Ry.

For the worst-case common-mode conductance, i.e. the highest possible,
Equation set (9.5.2) shows

G _ 1 1
OCMmax HRmax RM(l —AR)
1 R. R R (9.9.14)
- =(1-=2(1-M*)(1 +—~(1+M))=0.0134
HRmax 174 R3

The equations above give a maximal common-mode output impedance of

G ochmar=1-S ATV (9.9.15)

Problem 9.3

The universal voltage-to-current converter shown in Figure 9.5.3 uses the
instrumentation amplifier depicted in Figure 9.4.3, built using a conductance
G,=2G,=100pA/V and current sources have conductances G;=0.5pA4/V
matched within 4G,/G,=3%. All operational amplifiers are considered to
have CMRR=80dB, and the conversion resistor is R,,= 10K{2. Calculate the
differential transconductance and the common-mode output conductance, G,,
and G,qy,.
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Solution

Combining Equation (9.5.3) and Equation (9.4.5), the differential voltage
gain and transconductance can be calculated.

A (9.9.16)

The common-mode rejection ratio of the instrumentation amplifier's input
stage limits the value of the common-mode output conductance, according
to Equation (9.5.4).

11
ocM H RM

(9.9.17)

The CMCR factor 1/H can be calculated based on Equation (9.3.6)

G, A
1 6B, 1 1 coum (9.9.18)
H Gl GIB HOA{ H0A2
and G, becomes
11
GOCM—};R—-%”A/V (9.9.19)
M

9.10 References

9.1  Huijsing, J.H.



440

OPERATIONAL AMPLIFIERS, THEORY AND DESIGN

[9.2]

[9.3]

[9.4]

[9.5]

[9.6]

[9.7]

[9.8]

"Design and application of the Operational Floating Amplifier
(OFA): The most universal operational amplifier"

Analog Integrated Circuits and Signal Processing, No. 4, 1993,
pp. 115-129.

Tellegen, D.D.H.

"On nullators and norators”

IEEE Transactions on Circuit Theory, Vol. CT-13, 1966, pp.
466-468.

Ebers, J.J., and Moll, J.J.
"Large-Signal behavior of Junction Transistors"
Proc. IRE, Vol. 42, Dec. 1954, pp. 1761-1772.

Philips Semiconductors
Application Note NE 5230.

Dijk, G.J.A. van, Bakker, A., and Huijsing, J.H.

"Low-power CMOS Transadmittance Amplifier with extended
common-mode input range for a smart thermocouple interface"
Proceedings of ProRisc Workshop, Mierlo, Netherlands, Nov. 27-
28 1997, pp. 143-147.

Brokaw, A.P., and Timko, P.M.

"An improved monolithic instrumentation amplifier”

IEEE Journal of Solid State Circuits, Vol. SC 10, No. 6, Dec.
1975, pp. 417-423.

Dool, B.J. van den, and Huijsing, J.H.

"Indirect current feedback instrumentation amplifier with a
common-mode input range that includes the negative rail”

IEEE Journal of Solid State Circuits, Vol. 38, No. 7, July 1993,
pp. 743-749.

Nordholt, E.H.
"Extending op amp capabilities by using a current-source power



9. OPERATIONAL FLOATING AMPLIFIERS (OFA) 441

[9.9]

[9.10]

[9.11]

[9.12]

[9.13]

[9.14]

supply"
IEEE Trans. Circuits and Systems, Vol. CAS-29, 1982, pp. 411-
414.

Huijsing, J.H., and Korte, J. de

"Monolithic nullor - a universal active network element"

IEEE Journal of Solid State Circuits, Vol. SC-12, No. 1, 1977,
pp. 59-64.

Sedra, A.S.
"The current conveyer: history and progress”
Proc. Int. Symp. Circuits and Systems 1989, pp. 1567-1570.

Huijsing, J.H., and Veelenturf, C.J.
"Monolithic operational mirrored amplifier (OMA)"
Electr. Letters, Vol. 17, No. 3, 1981, pp. 119-120.

Haslett, J.W., and Rao, M.K.N.

"A high quality controlled current source”

IEEE Transactions on Instrum. and Meas., Vol. IM-28, No. 2,
1979, pp. 132-140.

Hart, B.L., and Barker, R.W.J.

"Universal operational-amplifier converter technique using supply-
current sensing"

Electronics Letters, Vol. 15, No. 16, Aug. 2, 1979, pp. 496-497.

Lidgey, F.J., and Toumazon, C.
"Accurate current follower"
Electron. Wireless World, April 1985, pp. 17-19.






BIOGRAPHY

Johan H. Huijsing was born on May 21, 1938.

He received the M.Sc. degree in Electrical Engineering from the Delft
University of Technology, Delft, the Netherlands in 1969, and the Ph.D.
degree for this University in 1981 for his thesis on operational amplifiers.

He has been an assistant and associate professor in Electronic
Instrumentation in the Faculty of Electrical Engineering of the Delft
University of Technology since 1969, where he is a full professor in the
chair of Electronic Instrumentation since 1990. From 1982 through 1983
he was a senior scientist at Philips Research Labs. in Sunnyvale,
California, USA. Since 1983 he is a consultant for Philips, Sunnyvale and
since 1998 also a consultant for Maxim, Sunnyvale, Ca.

The research work of Johan Huijsing is focussed on the systematic analysis
and design of operational amplifiers, analog-to-digital converters and
integrated smart sensors. He is author or co-author of some 200 scientific
papers, 20 US-patents and 6 books, and co-editor of 8 books. He is fellow
of IEEE for contributions to the design and analysis of analog integrated
circuits. He received the title of Simon Stevin Meester for applied
Research by the Dutch Technology Foundation.

He is initiator and co-chairman of the international Workshop on
Advances in Analog Circuit Design, which has been held annually since
1992. He is a member of the programme committee of the European Solid-
State Circuits Conference and of Eurosensors. He is chairman of the
biennial national Workshop on Sensor Technology, since 1991, and
chairman of the Dutch STW Platform on Sensor Technology.

October 2, 2000






INDEX

1GHz, all-NPN class-AB OpAmp with MNMC 308

1 volt R-R-in/out bipolar class-AB OpAmp with MNMC 338

1 volt R-R-out CMOS class-AB OpAmp with MNMC 324

1.2 volt R-R-out CMOS class-AB OpAmp with MHNMC 344

1.8 volt R-R-in/out bipolar class-AB OpAmp (NE5234) with NMC 332
2 volt power-efficient all-NPN class-AB OpAmp with MDNMC 308

A
all-NPN
1GHz, all-NPN class-AB OpAmp with MNMC 308
2 volt power-efficient all-NPN class-AB OpAmp with MDNMC 308
high-frequency all-NPN OpAmp with mixed PC and MC 294
LM101 class-AB all-NPN OpAmp with MC 298
NES5534 class-AB OpAmp with bypassed NMC 300
precision all-NPN class-AB OpAmp with NMC 302
precision HF all-NPN class-AB OpAmp with MNMC 305
applications 39

B

back-gate influence 96

balancing techniques 77, 86, 90

basic bipolar R-R-out class-A OpAmp 277

bias
feedback class-AB biasing 161
feedforward class-AB biasing 140
offset, bias, and drift 75

boosting
input class-AB boosting 273
voltage-gain boosting 275

bridge instrumentation amplifier 44

C
cascode
folded-cascode OpAmp 265



A e

446 OPERATIONAL AMPLIFIERS, THEORY AND DESIGN

telescopic-cascode OpAmp 268
classification
classification based on number of floating ports 2
classification of output stages 137
classification of overall topologies 197
CM-out control
fully differential CMOS OpAmp with linear-mode CM-out control
366
fully differential CMOS OpAmp with LTP CM-out control 369
fully differential CMOS OpAmp with R-R buffered resistive CM-out
control 372
fully differential CMOS OpAmp with R-R resistive CM-out control
375
fully differential CMOS OpAmp with switched-capacitor CM-out
control 378
fully differential GA-CF CMOS OpAmp with input-CM feedback
CM-out 371
fully differential telescopic CMOS OpAmp with linear-mode CM-out
control 368
common-mode
common-mode rejection ratio (CMRR) 88
common-mode cross-talk ratios (CMCR) 91
extension of the common-mode input range 118
voltage range
instrumentation amplifier bipolar with common-mode voltage
range including negative rail voltage 406
instrumentation amplifier CMOS with common-mode voltage
range including negative rail voltage 408
compact
compact 1.2 volt R-R-out BiCMOS class-AB OpAmp with MNMC
329
compact 1.2 volt R-R-out CMOS class-AB OpAmp with MC 322
compact 1.2 volt R-R-out CMOS class-A OpAmp with MC 311
compact 2 volt R-R-in/out CMOS class-AB OpAmp with MC 318
compact 2 volt R-R-out CMOS class-AB OpAmp with MC 315
compensation




INDEX

447

frequency compensation 205
input voltage and current compensation 204
compound output stages
FBB compound output stages 163
FFB compound output stages 146
configuration
fully differential GA-CF configuration 365
fully differential GA-CF-GA configuration 375
fully differential GA-GA-GA-GA configuration 378
GA-CF configuration 262
GA-CF-GA configuration 311
GA-CFE-VF configuration 283
GA-CF-VF/GA configuration 294
GA-GA configuration 277
GA-GA-GA configuration 324
GA-GA-GA-GA configuration 337
GA-GA-VF configuration 288
GA-GA-VF/GA configuration 298
constant g, input stages
constant g,, by constant sum of tail-currents 102
constant g, by constant sum of roots of tail currents 105
constant g,, by spill-over control 106
constant g, in CMOS by multiple input stages 114
constant g, in CMOS by saturation control 112
constant g, in CMOS by constant sum of Vg 114
current
current amplifier 6, 46
current followers (CF) 7
current mirror 62
current-to-voltage converter 3, 39
input voltage and current compensation 204
saturation protection and current limitation 176
output current limitation circuits 179

D
definition of OpAmps 1



448 OPERATIONAL AMPLIFIERS, THEORY AND DESIGN

design examples 261

differential V-I converter
differential accurate V-I converter 397
differential CMOS accurate V-1 converter 398
differential simple V-I converter 396
differential voltage-to-current converter 50
differential voltage-to-current converters 396

drift
offset, bias, and drift 75

dynamic range 56

dynamic range over supply-power ratio 56

E
ESD protection 332
extension of the common-mode input range 118

F
feedback biasing (FBB) 161
feedback class-AB biasing 161
FBB compound output stages 163
FBB rail-to-rail general amplifier output stages 169
FBB voltage-follower output stages 162
feedforward biasing (FFB) 140
feedforward class-AB biasing 140
FFB compound output stages 146
feedforward HF compensation 270
FFB rail-to-rail general-amplifier output stages 149
FFB voltage follower output stages 140
floating ports
classification based on number of floating ports 2
folded-cascode OpAmp 265
four-GA-stage
four-GA-stage conditionally stable multipath hybrid nested Miller
compensation (MHNMC) 237
four-GA-stage frequency compensation 232
four-GA-stage hybrid nested Miller compensation (HNMC) 232



INDEX 449

four-GA-stage multipath hybrid nested Miller compensation
(MHNMC) 235

frequency compensation 205

four-GA-stage frequency compensation 232
one-GA-stage frequency compensation 207
three-GA-stage frequency compensation 224
two-GA-stage frequency compensation 211

fully differential OpAmps 365

G
gain

gain

fully differential CMOS OpAmp with linear-mode CM-out control
366

fully differential CMOS OpAmp with LTP CM-out control 369

fully differential CMOS OpAmp with R-R buffered resistive CM-out
control 372

fully differential CMOS OpAmp with R-R resistive CM-out control
375

fully differential CMOS OpAmp with switched-capacitor CM-out
control 378

fully differential GA-CF CMOS OpAmp with input-CM feedback
CM-out 371

fully differential GA-CF configuration 365

fully differential GA-CF-GA configuration 375

fully differential GA-GA-GA-GA configuration 378

fully differential telescopic CMOS OpAmp with linear-mode CM-out
control 368

definition of: offset voltage and current, input and output impedance,
gain 16

boosting

voltage and current gain boosting 203

voltage-gain boosting 275

general bipolar class-AB OpAmp with Miller compensation 289
gyrator floating 54




450 OPERATIONAL AMPLIFIERS, THEORY AND DESIGN

H
high frequency (HF) compensation

feedforward HF compensation 270

high-frequency all-NPN OpAmp with mixed PC and MC 294
high-slew-rate bipolar class-AB voltage-follower buffer 287
high-speed bipolar class-AB OpAmp 283
hybrid nested Miller compensation (HNMC)

four-GA-stage hybrid nested Miller compensation (HNMC) 232

I
improved basic
improved basic bipolar R-R-out class-A OpAmp 279
improved basic CMOS R-R-out class-A OpAmp 280
input and output impedance
definition of: offset voltage and current, input and output impedance,
gain 16
input bias current
definition of: input bias current, input common-mode rejection ratio
17
input class-AB boosting 273
input common-mode rejection ratio
definition of: input bias current, input common-mode rejection ratio
17
input stages 75
input voltage compensation 271
input voltage and current compensation 204
instrumentation current amplifier 53
instrumentation voltage amplifier 52
instrumentation amplifiers 400
instrumentation amplifier bipolar with common-mode voltage range
including negative rail voltage 406
instrumentation amplifier CMOS with common-mode voltage range
including negative rail voltage 408
instrumentation amplifier (semi) with three OpAmps 400
instrumentation amplifier simplified diagram and general symbol 409
instrumentation amplifier with differential V-I converters for input



INDEX 451

and output sensing 403
instrumentation amplifier with a differential V-I converter for input
sensing 401
universal class-AB voltage-to-current converter design using an
instrumentation amplifier 410
universal class-AB voltage-to-current converter with instrumentation
amplifier 432
universal V-I converter design with real instrumentation amplifier
412
universal V-1 converter design with semi-instrumentation amplifier
411
inverting
inverting current amplifier 49
inverting voltage amplifier 41, 59
inverting voltage integrator 61
isolation techniques 76, 84, 89

L
LM101 class-AB all-NPN OpAmp with MC 298

M
wA741 OpAmp with Miller compensation (MC) 292
macromodels 15
macromodels in Spice 22
macromodel mathematical 22
macromodel Miller-compensated 23
macromodel nested-Miller-compensated 24
measurement techniques for OpAmps 26
gain measurement of an OTA 26
gain measurement of an OpAmp 28
gain and offset measurements of an OpAmp 29
general measurement setup for an OpAmp 30
Miller compensation (MC)
compact 1.2 volt R-R-out CMOS class-AB OpAmp with MC 322
compact 1.2 volt R-R-out CMOS class-A OpAmp with MC 311
compact 2 volt R-R-in/out CMOS class-AB OpAmp with MC 318




452 OPERATIONAL AMPLIFIERS, THEORY AND DESIGN

compact 2 volt R-R-out CMOS class-AB OpAmp with MC 315
general bipolar class-AB OpAmp with Miller compensation 289
LM101 class-AB all-NPN OpAmp with MC 298
pnA741 OpAmp with Miller compensation (MC) 292
two-GA-stage Miller compensation (MC) 215
multi-GA-stage compensations 238
multipath hybrid nested Miller compensation (MHNMC)
1.2 volt R-R-out CMOS class-AB OpAmp with MHNMC 344
four-GA-stage conditionally MHNMC 237
four-GA-stage MHNMC 235
multipath nested Miller compensation (MNMC)
1GHz, all-NPN class-AB OpAmp with MNMC 308
1 volt R-R-in/out bipolar class-AB OpAmp with MNMC 338
1 volt R-R-out CMOS class-AB OpAmp with MNMC 329
compact 1.2 volt R-R-out BICMOS class-AB OpAmp with MNMC
329
precision HF all-NPN class-AB OpAmpwith MNMC 305
three-GA-stage multipath nested Miller compensation (MNMC) 228

N

NE5534 class-AB OpAmp with bypassed NMC 300

nested Miller compensation (NMC)
1.8 volt R-R-in/out bipolar class-AB OpAmp (NE5234) with NMC

332

NE5534 class-AB OpAmp with bypassed NMC 300
precision all-NPN class-AB OpAmp with NMC 302
reverse nested Miller compensation (RNMC) 238
three-GA-stage nested Miller compensation (NMC) 225

no internal poles 210

noise 84

non-ideal OpAmps 64

non-inverting voltage amplifier 4, 42, 60

non-linear distortion 242

nullor concept 1




INDEX 453

0
offset, bias, and drift 75
offset voltage and current
definition of: offset voltage and current, input and output impedance,
gain 16
one-GA-stage frequency compensation 207
operational current amplifier (OCA) 6, 46
definition of: output bias current, output common-mode current
rejection ratio 19
operational floating amplifier (OFA) 8, 48, 387
using all definitions 21
operational inverting amplifier (OIA) 3, 39
definition of: offset voltage and current, input and output impedance,
gain 16
operational voltage amplifier (OVA) 4, 42
definition of: input bias current, input common-mode rejection ratio
17
operational transconductance amplifier (OTA) 262
output bias current
definition of: output bias current, output common-mode current
rejectio ratio 19
output common-mode current rejection ratio
definition of: output bias current, output common-mode current
rejection ratio 19
output stages 131
FBB compound output stages 163
FBB rail-to-rail general amplifier output stages 169
FBB voltage-follower output stages 162
FFB compound output stages 146
FEB rail-to-rail general-amplifier output stages 149
FFB voltage follower output stages 140
overall design 197
overall topologies
classification of overall topologies 197




454 OPERATIONAL AMPLIFIERS, THEORY AND DESIGN

P
parallel compensation (PC)

two-GA-stage parallel compensation (PC) 212
power efficiency of output stages 131
precision all-NPN class-AB OpAmp with NMC 302
precision HF all-NPN class-AB OpAmp with MNMC 305

R
rail-to-rail (R-R) input stages
rail-to-rail in CMOS by back-gate driving 113
rail-to-rail input stages 100
rail-to-rail-in/out (R-R-in/out)
1 volt R-R-in/out bipolar class-AB OpAmp with MNMC 338
1.8 volt R-R-in/out bipolar class-AB OpAmp (NE5234) with NMC
332
compact 2 volt R-R-in/out CMOS class-AB OpAmp with MC 318
rail-to-rail-out (R-R-out)
1 volt R-R-out CMOS class-AB OpAmp with MNMC 324
1.2 volt R-R-out CMOS class-AB OpAmp with MHNMC 344
basic bipolar R-R-out class-A OpAmp 277
compact 1.2 volt R-R-out BiCMOS class-AB OpAmp with MNMC
329
compact 1.2 volt R-R-out CMOS class-AB OpAmp with MC 322
compact 1.2 volt R-R-out CMOS class-A OpAmp with MC 311
compact 2 volt R-R-out CMOS class-AB OpAmp with MC 315
improved basic bipolar R-R-out class-A OpAmp 279
improved basic CMOS R-R-out class-A OpAmp 281
reverse nested Miller compensation (RNMC) 238

S
saturation
output current limitation circuits 179
output saturation protection circuits 177
saturation protection and current limitation 176
slew rate 239
high-slew-rate bipolar class-AB voltage-follower buffer 287




INDEX 455

T

telescopic-cascode OpAmp 268

total CMCR 98

three-GA-stage
three-GA-stage frequency compensation 224
three-GA-stage multipath nested Miller compensation (MNMC) 225
three-GA-stage nested Miller compensation (NMC) 228

two-GA-stage
two-GA-stage frequency compensation 211
two-GA-stage Miller compensation (MC) 215
two-GA-stage parallel compensation (PC) 212

U
unipolar
unipolar bipolar accurate V-1 converter 394
unipolar CMOS accurate V-1 converter 393
unipolar OpAmp accurate V-I converter 395
unipolar OpAmp-gain-boosted accurate V-1 converter 392
unipolar single-transistor V-I converter 391
unipolar voltage-to-current converter 389
universal
universal class-A OFA design 414
universal class-A OFA design with a long-tail-pairs 417
universal class-A OFA design with floating zener-diode supply 414
universal class-A OFA design with supply current followers 415
universal class-AB OFA design 425
universal class-AB OFA design with current mirrors 429
universal class-AB OFA design with output-current equalization 430
universal class-AB OFA design with total-output-supply-current
equalization 426
universal class-AB OFA realization with power-supply isolation 423
universal class-AB voltage-to-current converter design using an
instrumentation amplifier 410
universal class-AB voltage-to-current converter with instrumentation
amplifier 432
universal floating power supply design 424



456 OPERATIONAL AMPLIFIERS, THEORY AND DESIGN

universal V-1 converter design with real instrumentation amplifier

412

universal V-I converter design with semi-instrumentation amplifier

411

v
voltage and current follower (VCF) 10
voltage and current gain boosting 203
voltage compensation
input voltage compensation 271
voltage follower (VF) 5, 44
FBB voltage-follower output stages 162
FFB voltage follower output stages 140
voltage-follower buffer
high-slew-rate bipolar class-AB voltage-follower buffer 287
voltage-gain boosting 275
voltage-to-current converter 9, 48, 58, 389
diffential
differential accurate V-I converter 398
differential CMOS accurate V-1 converter 397
differential simple V-1 converter 396
differential voltage-to-current converters 396
unipolar
unipolar bipolar accurate V-1 converter 394
unipolar CMOS accurate V-I converter 393
unipolar OpAmp accurate V-I converter 395

unipolar OpAmp-gain-boosted accurate V-I converter 392

unipolar single-transistor V-I converter 391
unipolar voltage-to-current converter 389
universal

universal class-AB voltage-to-current converter design using an

instrumentation amplifier 410

universal class-AB  voltage-to-current converter with

instrumentation amplifier 432






OPERATIONAL AMPLIFIERS
Theory and Design "

Johan H. Huijsing

Operational Amph’ﬁers ~ Theory and Design is the first book to present a systematic
circuit design of operational amplifiers. Containing state-of-the-art material as well as the
essentials, the book is written to appeal to both the experienced practitioner and the less
initiated circuit designer. It is shown that the topology of all opérational amplifiers can be
divided into nine main overall configurations. These configurations range from one gain
stage up to four or more gain stages. Many famous designs are evaluated in depth.
High-frequency compensation techniques are presented for all nine configurations.
Special emphasis is placed on low-power low-voltage architectures with rail-to-rail input
and output ranges. ’

Operational Amplifiers — Theory and Design also develops on the theme of the design of
fully differential operational amplifiers and operational floating amplifiers. In addition,
the characterization of operational amplifiers by macromodels and error matrices is
presented, together with measurement techniques for their parameters.

Carefully structired and enriched by numerous figures, problems and simulation
exercises, the book is ideal for the purposes of self-study and self-evaluation.

KLUWER ACADEMIC PUBLISE






