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Preface

With the downscaling of CMOS technology to a sub-90 nm (nano-scale)
regime, several major non-idealities related to the physics and fabrication
techniques of MOS transistors start playing a significant role in determin-
ing the performance of circuits. Analog integrated circuit (IC) designers are
consequently faced with many new design challenges at different stages of
circuit design. Some of these challenges are degradation of output resistance
and intrinsic voltage gain of the transistor, enhanced gate leakage current,
reduced overdrive voltage, variations of process technology parameters and
ability to withstand enhanced stress over a period of time. On the other hand,
the number of functionalities that are to be accommodated has also increased
significantly. The application markets for integrated circuits are characterized
by short product life cycles and a tight time-to-market constraint. Digital
designers are fortunate enough to be able to utilize the benefits of computer-
aided design techniques and associated tools to correctly develop large circuits
on the first attempt. On the other hand, the majority of the tasks in analog
IC design are still hand-crafted. The degree of automation varies from re-
peated use of SPICE simulations, manual place and route with the assistance
of parameterized device generators and post-layout verification. Therefore,
the combined problem of achieving both design productivity and creativity
really does make the job of a nano-scale analog designer challenging. The
development of computer-aided design automation tools for analog circuits
has been the subject area of active research for both academia and industries
over the last few decades. The design of nano-scale analog circuits requires
comprehensive knowledge of the compact models of MOS transistors used for
simulation purposes as well as the constraints imposed by process technology
and the reliability issues. Otherwise, the verification process of analog circuits
in the nano-scale regime becomes too complex. Extraction and management
of knowledge, acquired either through repeated experimentation or through
analyzing the physics of the processes, become quite involved. Subsequent
development of specialized computer-aided design techniques and tools may
simplify the task of analog designers to some extent.

The motivation for writing this book on models and CAD techniques for
nano-scale analog circuit design was the limited availability of satisfactory
textbook-based reference material catering to teaching related courses for
post-graduate and senior under-graduate students. The authors then planned
to write a book to provide comprehensive treatment of modeling the physics
of MOS transistors relevant to circuit design, capturing nano-scale challenges
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to circuit design and describing CAD techniques starting from the basics. Re-
searchers and post-graduate students are considered to be the primary readers
of this book. Analog circuit designers will also find the book extremely benefi-
cial for reviewing several fundamental concepts which dictate the performance
of circuits and the associated design tools to a large extent. The objective of
this book is to present the links between the physics/technology of scaled
MOS transistors on one end and the design and simulation of nano-scale ana-
log circuits on the other.

The book is organized into seven chapters that encompass the area of
models and CAD techniques for high-level design of nano-scale CMOS analog
circuits. Chapter 1 provides an overview to the term nano-scale CMOS IC
technology and the general trends of technology scaling with respect to device
geometry, process parameters and supply voltage. The International Technol-
ogy Roadmap for Semiconductors (ITRS) is also introduced. The critical chal-
lenges involved in an analog design process in sub-90 nm process technology
are emphasized. The motivation for computer-aided design techniques is pre-
sented and the merits and demerits of the various existing design techniques
are summarized. The knowledge-based CAD technique for analog circuit de-
sign is introduced. Chapter 2 provides a comprehensive description of the
various types of high-level models and the useful optimization techniques. For
nano-scale circuit designs, technology computer-aided design (TCAD) tech-
nique is gaining importance day by day because of its advantage in capturing
accurately the various nano-scale effects related to the physics and technol-
ogy of MOS transistors. This topic is briefly introduced and the advantage
of combining this with computer-aided circuit design is emphasized. Various
commercial design tools are also mentioned. This chapter, therefore, provides
the essential background for the subsequent chapters. Chapter 3 provides a
comprehensive overview of compact modeling in the context of scaled MOS
transistors for VLSI circuit simulation. The root cause of the design creativity
problem faced by the analog designers often lies in improper understanding
of the compact models of scaled MOS transistors. Therefore, the present day
designers can no longer remain ignorant of this very important topic. An out-
line of the essential issues related to the compact models has been discussed
here. BSIM3 and BSIM4 compact models have been considered as bench-
marks in the discussion. Readers are advised to consult the corresponding
user guides for the details of these models. Because of the complicated physics
involved with MOS transistors and the significant effects of these on circuit
performance, designers often use learning-based approaches for construction
of high-level performance and feasibility models. Chapter 4 introduces two
very important learning-based methods: the artificial neural network (ANN)
and the least-squares support vector machine (LS-SVM) method. Several case
studies with simulation results have been described demonstrating the practi-
cal utilities of these two methods. Circuit sizing and specification translation
tasks have been described in Chapter 5 of this book. The particle swarm opti-
mization technique has been introduced to readers and demonstrated through
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practical examples of sizing analog circuits. The g,,,/Ip methodology, another
very important methodology for low-power analog design has also been de-
scribed in this chapter and is demonstrated through simulation results. The
advanced effects of scaled MOS transistors like narrow width effects, vertical
and lateral channel engineering and the gate leakage current issue have been
discussed in Chapter 6. The various state-of-the-art CMOS technologies such
as metal-gate, high-x technology, silicon-on-insulator technology, double-gate
MOS technology and FinFETs have been introduced to readers. These tech-
nologies are presently used to design nano-scale analog circuits for system-on-
chip purpose. The noise characterization and gate-resistance effects are also
briefly described. Finally, Chapter 7 presents an overview of the design chal-
lenges that occur due to statistical variations of process technology parameters
and reliability constraints. Intra-die process variations have been described
in detail and the effects of these on the performance parameters have been
demonstrated through simulation results. The reliability constraints related to
time-dependent dielectric breakdown, hot carrier injection and negative bias
temperature instability have been described. An extensive list of references is
provided at the end for more elaborate discussion of the issues and to motivate
readers to engage in further research.

The simulation results presented in this book have been carried out at the
IC Design Laboratory of the Institute of Radio Physics and Electronics, Uni-
versity of Calcutta, for which one of the authors (SP) acknowledges the finan-
cial support provided by the Department of Science of Technology, Govt. of In-
dia (under the Fast Track Young Scientist Scheme SR/FTP/ETA-0063,/2009).
The research results are primarily the outcome of this project. The first au-
thor deeply acknowledges his research students Abhijit Dana, Somnath Paul,
Kritanjali Das and Sarmista Sengupta for their active technical support. He
also expresses his gratitude to his wife. Srabanti Pandit (assistant professor,
Electronics and Communication Engineering Department, Heritage Institute
of Technology) for fruitful technical discussions on various topics of Chapter
6 of this book. Finally, the authors express their thanks to their family mem-
bers for putting up with the long working hours maintained by them. All the
authors gratefully acknowledge the support received from all staff members
of CRC Press who have interacted with them, for their immense patience and
responsiveness demonstrated throughout the publishing process of this book.

Soumya Pandit (SP)
Chittaranjan Mandal
Amit Patra
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1

Introduction

1.1 Introduction

With the advent of nano-scale CMOS technology (sub-90nm), complex
System-on-Chips (SoCs) are used in almost all the domains of electronic sys-
tems such as telecommunications, multimedia, consumer electronics, instru-
mentation and defense applications [24]. Despite the trend for replacement
of analog functionalities within a SoC by digital signal processing operations,
analog circuits are considered to be indispensable for all the applications that
interface with the outer world such as interfaces with sensors, microphones,
antennas, actuators, loud speakers etc. In addition, there are some mixed sig-
nal circuits, such as data converters, which contain analog components [75].
Moreover, high performance (high-speed and low power) digital circuits are
often designed in an analog fashion [21].

The design complexity of an integrated circuit (IC) has increased drasti-
cally in the nano-scale domain. Several second-order effects related to nano-
scale MOS transistors which were hitherto considered to be insignificant now
play dominant role in determining circuit performances [66]. On the other
hand, for economic reasons, the majority of the SoC application markets are
characterized by shortening product life cycles and tightening time-to-market
constraints. This pressure leads to the use of efficient computer-aided design
(CAD) methodologies and associated design automation tools by the IC de-
signers. In the digital domain, the design automation tools are fairly matured
and commercially available. However, for analog circuits, the scenario is not
so impressive [8]. Developments in the area of analog CAD tool developments
are primarily in the research phase, where most of the CAD tools have been
research prototypes tested on a limited set of circuits [65]. Therefore, in a
complete mixed-signal integrated circuit, although analog circuits typically
occupy only a small fraction of the total die area, their design is often the
bottleneck, both in design time and effort [8, 66].
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1.2 Characterization of Technology Scaling

The MOS transistor feature size has been subjected to scaling down for the
last few decades. The degree of scaling is measured as the half-pitch of the first-
level interconnect in DRAM technology [17]. For logic circuits, the smallest
feature size refers to the length of the gate of a MOS transistor. These are used
to characterize a technology node. The concept of pitch and technology node
are illustrated in Fig. 1.1. It is clear that half-pitch = 2\ = technology node.
Examples of technology nodes are 0.18um, 0.13um, 0.1um, 90nm, 65nm, 45nm
and so on. In each technology node, the feature sizes such as the contact holes
in the layout of a circuit are reduced by 70% of the corresponding sizes in the
earlier technology node. Consequently with each new technology generation,
the circuit area is reduced by 50%, (0.7 x 0.7 = 0.49). The practice of the
periodic reduction of the feature size is referred to as technology scaling. It
may be noted that with advancement of CMOS device structures, the equality
between the half-pitch and the technology node is violated, and today Half-
Pitch > Node [91].

The most straightforward benefit of technology scaling is that with intro-
duction of new technology the integration capacity increases twofold and thus
the cost per circuit is reduced significantly. This is Gordon Moore’s law [14],
according to which the complexity of MOS device integration is approximately
doubled every eighteen months.

There are two major theoretical models for device scaling (i) constant field
scaling and (ii) constant voltage scaling. These are discussed below

1.2.1 Constant Field Scaling

The principle of the constant field scaling is the scaling of the device voltages
and dimensions (both vertical and lateral) by the same factor k so that the
electric field remains constant [43]. The doping concentration is increased by
the same scaling factor x in order to keep Poisson’s equation invariant with
respect to scaling. The constant field scaling ensures that the reliability of the
scaled device is not degraded compared to that of the original device.

With the scaling down of the supply voltage and transistor dimensions,
a significant effect of the constant electric field scaling is that the circuit
speeds up by the same factor x and the power dissipation is reduced by 2.
In addition, the power density remains constant in the scaled transistor. The
power-delay product improves by a factor x3.

1.2.2 Constant Voltage Scaling

In spite of its significant advantages, it has been found that in reality the
constant field scaling is not a feasible option. In order to keep the new devices
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compatible with existing components, voltages cannot be scaled arbitrarily.
This necessitates multiple supply voltages which leads to considerable increase
of the cost of the system. Therefore, in the constant voltage model, the voltages
are kept constant [26]. The geometrical dimensions and doping, are however
kept as in the case of the constant field scaling. Under the constant voltage
model of scaling, the electric field is scaled up by the factor £ and the doping
concentration needs to be scaled up by x2.

In reality, CMOS technology evolution has followed a suitable combination
of the constant field and constant voltage scaling.

1.2.3 Nonscaling Effects

In CMOS technology, the material related parameters such as energy gap,
work function etc., do not change with scaling. As a result of this, the threshold
voltage of a MOS transistor does not change with technology scaling, in general
[192]. This is explained by the basic definition of threshold voltage [192] as
follows

V2€esiqNa (2®F + Vps)

oxr

Vr =Vrp +2®p +

(1.1)

where Vg is the flat band voltage, Vg is the substrate voltage and 2®p is
the surface potential at strong inversion. Although the channel doping and the
oxide thickness are scaled, they almost mutually nullify each other. The other
material-related parameters are independent of technology scaling. Therefore,
the threshold voltage of a MOS transistor does not scale with technology
scaling.

The OFF current of a MOS transistor is given as follows [192]

W kT\?
Ips(Vgs = 0,Vps = Vpp) = ,uscozf(n -1) <7) exp (—qVr /nkT)

(1.2)
where 7 is the subthreshold swing factor. It is observed that because of the
exponential dependence, the threshold voltage cannot be scaled down without
significant increase in the OFF-current. However, even if the threshold voltage
is kept constant, the OFF current of a transistor increases because of the
increase of the oxide capacitance per unit area with the scaling of the oxide
thickness.

The nonscaling trend of threshold voltage restricts the scaling of the supply
voltage. This is because of the fact that the intrinsic delay of a MOS transistor
increases rapidly with the ratio V/Vpp when the latter exceeds about 0.3.

The inversion layer thickness remains unchanged with constant field scal-
ing. Considering the fact that the inversion layer capacitance acts in series
with the gate capacitance, the total gate capacitance per unit area of a scaled
MOS transistor increases by a factor less than .

The junction built-in potential and the surface potential do not change
significantly with technology scaling. The maximum gate depletion width for
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a long channel MOS transistor is given by

W — \/465ikT In(Na/n;) (13)

¢®>Ny

Here In (Na/n;) is weak function of N4 and can be treated as a constant.
Therefore, the depletion width does not scale down as significantly as the
other transistor dimensions. In order to scale down the depletion depth, the
substrate concentration needs to be scaled up more than that suggested by
the constant-field scaling or generalized scaling. If this can be done, the sub-
threshold swing factor can be kept constant with scaling.

1.2.4 Generalized Scaling and Technology Trends

According to the generalized scaling model [13], the scaling factor need not
be the same for the geometrical feature sizes and potentials. The scale factor
for the potentials may be o # k. When a = &, the generalized scaling model
reduces to the constant field scaling model. On the other hand, when o = 1,
the generalized model reduces to the constant voltage model.

The technology trend is such that the various device parameters are al-
lowed to be adjusted independently as long as the overall behavior is preserved.
The fundamental idea of device scaling is to design the device with scaled tech-
nology such that the long-channel behavior of MOS transistors is preserved
as far as possible and circuit performance benefits are achieved.

1.2.4.1 International Technology Roadmap for Semiconductors

The International Technology Roadmap for Semiconductors (ITRS) is an an-
nually updated document prepared by semiconductor researchers around the
world to generate consensus on the transistor and circuit performances that
are required to fulfill the projected markers in the future [90]. The ITRS
working group have published many device design targets for comprehensive
development of MOS technology. Based on the types of applications, the ITRS
working group have classified the technology parameters into two types: high-
performance (HP) and Low Power (LP). High-performance (HP) refers to
technology required for chips of high performance and high power dissipa-
tion such as microprocessor units (MPU) for desktop PCs. The low power
technology refers to the technology required for chips for mobile applications
where the allowable power dissipation and hence the allowable leakage cur-
rents are limited by battery life. The low power technology is sub-divided
into two types: low operating power (LOP) and low stand-by power (LSTP).
LOP refers to the technology required for chips of relatively high performance
mobile applications such as notebook computers where the battery is likely
to be of high capacity. On the other hand, the LSTP chips are typically for
low power performance consumer type applications with lower battery capac-
ity, e.g., cellular phones. Therefore, the transistors for high performance ICs
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are highly scaled and have somewhat higher performances and high leakage
current. The transistors for LOP applications are less highly scaled and have
somewhat lower performance and much lower leakage current. On the other
hand, the transistors for LSTP are scaled the same as those for LOP but the
performance and leakage current are lower still, compared to transistors for
LOP chips.

1.2.4.2 Predictive Technology Modeling

For early prediction of CMOS devices and circuit performances for future
technologies, a research group from Arizona State University has formulated
a set of predictive technology models (PTM) based on the standard compact
device model framework for circuit simulation purposes [210]. These models
are therefore, significantly helpful for the IC designers for prediction purposes
with migration of CMOS technologies and the use of new materials.

1.2.4.3 Scaling of Geometry Parameters

The scaling of the physical gate length and the effective channel length with
a technology node is demonstrated in Fig. 1.2 as observed from the ITRS as
well as a set of PTM models. The scale factors are given in Table 1.1. It is
observed that with scaling the physical gate length is reduced by a factor of
0.7246. This is accordance with the principle mentioned earlier.

The scaling of equivalent oxide thickness with a technology node is high-
lighted in Fig. 1.3. It is observed that the oxide thickness is scaling down as
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FIGURE 1.2

Scaling of physical gate length and effective channel length across technology
node.
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TABLE 1.1
Scaling Scenarios
Approximate
Physical Parameters scaling relation | HP | LSTP | PTM
k>1l,a>1
Physical gate length, L Lg/k ] 1.3811.38 |-
Effective channel length L.y Lese/k — — 1.40
Equivalent oxide thickness %, tox/K | 1.25(1.19 1.42
Source/Drain junction depth z; zj/k 1 1.09[1.13 [1.44
Channel doping Nog (k?/a)Newm T 1.13(1.13 |1.45
Supply voltage Vpp Vop/al 1.08[1.07 [1.11
Long channel threshold voltage Vi | Vi /o | — — 1.05
Drain ON current Ipn (FL/CYQ) Ion T 1.2811.25 |1.06
Drain OFF current Ippp Iorr 1 2.7413.08 |2.39
Intrinsic delay D = CoVpp/Ion | (a/k*)D | 0.68[0.60 [0.70
Static power dissipation Pg Ps T 1.81{1.09 |-
Parasitic resistance Rgs. Rasw 4 1.171.26 1.11
Saturation velocity vgsat (k/Q)Vdsat T — — 1.075
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Scaling of source-drain junction depth across technology node.

the technology is scaled. The scale factors are given in Table 1.1. For the HP
logic, the required oxide thickness is smaller compared to that required for
the LSTP logic. The reason is that with the scaling of oxide thickness, the
intrinsic delay of a transistor reduces, so that the intrinsic speed is increased.
However, this comes at the cost of enhanced leakage power. Therefore, for low
standby power applications, comparatively thicker oxide thickness is to be
used. It is observed that for the HP logic, the general trend of oxide thickness
scaling with technology node is approximately 0.02 times the technology node
for nodes below 65nm and 0.01 times the technology node for nodes above
65nm.

The variation of the source/drain junction depth with technology node is
shown in Fig. 1.4. It is observed that the depth is reducing with technology
scaling which is in accordance with the scaling theory. The scale factors are
given in Table 1.1. The reduction is essential for short channel effect mini-
mization.

1.2.4.4 Scaling of Channel Doping, Supply Voltage, and Threshold
Voltage

The variation of the channel doping with technology node as obtained from
the ITRS specifications for HP and LTP logic and various PTM files is demon-
strated in Fig. 1.5. The scale factors are shown in Table 1.1. This is in consis-
tency with the scaling principle.

The variation of the supply voltage with technology node is shown in
Fig.1.6. It is observed from the graph that the supply voltage changes slightly
with technology scaling. The reason is due to the fact that the threshold
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Scaling of threshold voltage across technology node.

voltage of a MOS transistor does not scale down and the delay of a transistor
increases with the ratio Vi /Vpp.

The variation of the long-channel threshold voltage of a MOS transistor
with technology node as obtained from the various PTM files is shown in Fig.
1.7. The scale factors are shown in Table 1.1. This shows that the threshold
voltage remains almost constant with scaling. The theoretical reason for this
is discussed as previously.

1.2.4.5 Scaling of Performances

The variation of the drain current with technology node is shown in Fig. 1.8.
It is observed that the drain current is increasing which is in accordance with
the constant voltage model. The scale factors are shown in Table 1.1. The
drain current is much higher for the HP logic compared to that of the LSTP
logic. This is because with high drain current, the intrinsic speed of a MOS
transistor increases.

The variation of the OFF current with technology node is shown in Fig.
1.9. The scale factors are shown in Table 1.1. For the LSTP logic, the OFF
current is much lower compared to that of the HP logic. Even if the threshold
voltage is held unchanged, theoretically the OFF current increases by a factor
k from the C,, contribution when the physical dimensions are scaled down by
k. However, it has been found that the OFF current increases at a rate much
higher than x. This is because of the fact apart from the subthreshold leakage
current component several other components, like tunneling leakage current,
contribute to the OFF current [154].
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Scaling of the intrinsic delay across technology node.

The scaling of the intrinsic delay with technology node is shown in Fig.
1.10. The scale factors are shown in Table 1.1. The magnitude of the delay is
lower in the HP logic compared to that in the LSTP logic. The scale factors
are shown in Table 1.1.

The scaling of the static power dissipation with technology node is shown
in Fig. 1.11. The static power dissipation increases with technology scaling.
The scale factors are shown in Table 1.1. It is observed that for the HP logic,
the static power dissipation is several times that of the LSTP logic. With tech-
nology scaling, the increase of static power dissipation is a critical challenge
to the IC designers.

1.2.4.6 Scaling of Source-Drain Resistance and Saturation Velocity

The variation of the parasitic source-drain resistance (Rgs,) with technology
node is shown in Fig. 1.12. The scale factors are shown in Table 1.1. The
reduction of R4s,, becomes more difficult in short-channel transistors.

The scaling of the saturation velocity with technology node is shown in
Fig.1.13. The scale factors are shown in Table 1.1.
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1.3 Analog Design Challenges in Scaled CMOS
Technology

In scaled CMOS technology, several significant effects, referred to as short
channel effects of MOS transistors, play a major role in determining the per-
formances of analog circuits [112, 7]. Some important short channel effects of
scaled MOS transistors are threshold voltage roll off and drain induced barrier
lowering (DIBL), carrier mobility degradation, velocity saturation and gate
oxide leakage current [192]. These effects critically affect the performances of
nano-scale analog circuits. In addition, with the scaling of supply voltage to
1V, the signal headroom becomes too small to design circuits with sufficient
signal integrity at reasonable power consumption levels. Therefore, technology
scaling brings about new features but only a few of them are good for analog
applications and are true for the designers.

1.3.1 Degradation of Output Resistance and Intrinsic Gain

The output resistance of a MOS transistor is a very important parameter
for analog IC design. Ideally the output resistance of a MOS transistor is
infinite so that the transistor acts as an ideal current source. However, with
the increase of drain bias, the current of a real MOS transistor increases so that
the resistance has a finite value. For long channel MOS transistor, the finite
output resistance is attributed to channel length modulation effect [192]. For
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short channel length MOS transistors, as the drain-source bias is increased,
the threshold voltage value reduces, as a result of which the drain current
increases. This is referred to as the drain induced barrier lowering (DIBL)
effect [192]. The output resistance of a scaled MOS transistor is therefore
determined by the combined effects of the channel length modulation effect
and the DIBL effect. As a result of this, the output resistance of a scaled MOS
transistor is significantly lowered. The deterioration is enhanced with scaling.
Consequently the intrinsic voltage gain of a MOS transistor is significantly
low. It is considered as one of the major challenges to high-performance analog
circuit design in scaled CMOS technology. Suitable measures such as the use
of cascodes, cross coupled MOS transistors, bootstrapping etc., need to be
taken for enhancement of the circuit gain [164]. In addition, a general practice
for analog design is to use transistors with gate lengths 3 —5 times larger than
the minimum for a specific technology node.

1.3.2 Gate Oxide Leakage Current

The thin oxide required for scaled CMOS technologies causes tunneling of
the carriers such that the gate current becomes non-negligible [192]. It has
been observed that at 65nm technology node, the gate leakage current in-
creases by more than six orders of magnitude as compared to that for 0.18um
technology node. The gate current is caused due to direct tunneling through
the thin gate oxide and depends mainly on gate-source voltage bias and gate
area [108]. The current gain Ipg/Igs is very high for non-scaled technology,
such that the MOS transistor acts as a voltage controlled device. However,
in scaled CMOS technology, as the gate current increases, the current gain
reduces and the MOS transistor operates similar to a bipolar device, with
performances controlled by the gate current. An obvious implication of non-
zero gate leakage current is that the gate impedance of a MOS transistor is no
longer purely capacitive, rather it contains a tunnel conductance in parallel
with the traditional capacitance. A characteristic frequency fgqte is defined
such that [7]

Jtunnel
foate = 9 (1.4)
~ B.10" w25 exp [tor (Vos — 13.6)] (1.5)

where § ~ 1.5 for NMOS transistors and ~ 0.5 for PMOS transistors. For
signal frequencies higher than fgq¢c, the input impedance of the MOS tran-
sistor can be considered to be capacitive, otherwise, it is resistive and the
gate leakage current is dominant. The value of fgq:. increases with scaling. It
has been found that fgaie =~ 1M Hz at 65nm technology compared to 0.1Hz
in 180nm technology [7]. Therefore, leakage current plays significant role for
input frequencies lower than 1M Hz at 65-nm technology.
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1.3.3 Noise Performance

The input referred noise of a MOS transistor primarily consists of the ther-
mal noise component and the flicker noise component [70]. The thermal noise
component is given as [70]

1
v, = 4kng—Bn (1.6)

/ w
dm = 2,UJsOoszDS (17)

where k is the Boltzmann constant, T is the absolute temperature, B, is
the noise bandwidth and v = 2/3 for long-channel MOS transistor. Keeping
the W/L ratio and the drain current Ipg constant, with reduction of oxide
thickness, the white noise component reduces. However, the transconductance
of a MOS transistor is a critical issue in scaled technology because of several
physical phenomena like mobility degradation and velocity saturation, so also
is the thermal noise component. The flicker noise component is given as [70]

Krp

= G WLF (1.8)

v (f)
where K is the flicker noise coefficient with the unit V2 — F. If it is assumed
that Kr does not change with scaling, there is an improvement in the noise
provided the device area is kept constant. The flicker noise component de-
pends upon the oxide thickness and quality of the deposited oxide layer which
improves with the scaling of technology. However, in order to prevent gate
leakage current, the gate dielectric is often made up of material with a high
dielectric constant, that unfortunately increases the flicker noise component.

1.3.4 Analog Power Consumption

Let us consider a simple single transistor amplifier as shown in Fig. 1.14.
The total thermal noise integrated across the band of interest, i.e. the noise
bandwidth B,, is given by

i, = 4kTygmBn (1.9)

where v = 2/3 for a long-channel MOS transistor. The output noise voltage
is therefore,

v2 = R%? (1.10)
Let us assume that the full scale output voltage across the load capacitor Cp,

is Vrg, Therefore, the maximum rms sine wave voltage is

_ Vps

NG (1.11)
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where A, = gmR is the dc gain of the amplifier, assuming that the output
resistance of the transistor is very high. The transconductance g,, of the MOS
transistor is related to the bias current through Ips = gmvop where vop is
the equivalent effective overdrive voltage [188]. For a classical long-channel
MOS transistor operating in a strong inversion region, vop = (vas — Vr) /2
and in the weak inversion region vop = nkT/q with n =~ 1.3. The power
consumption of the circuit is given by [188]

P = Ips.Vrs = 32kTyA2B,SNR-22 (1.13)
Vrs

It is thus observed that the power consumption is proportional to the targeted
SNR. Therefore, lowering the supply voltage (and hence the full scale output
voltage) without reducing vop increases the power consumption. It is therefore
concluded that keeping the performance requirement constant, i.e., SNR and
B,, constants, if a design is migrated to scaled technology with reduced supply
voltage, the power consumption of the circuit increases [188].
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1.3.5 Drain Current Mismatch

Matching between MOS transistors is an important requirement for several
analog circuit blocks such as the current mirror, operational amplifiers, data
converters etc. The mismatch of the drain current between two adjacent iden-
tical MOS transistors is primarily attributed to threshold voltage mismatch
caused by a random discrete dopant effect [143]. For long-channel MOS tran-
sistors, the dopant fluctuation yields a drain current mismatch. The variance
is approximately given by [205].

Oips _ D 4
Ins WL (Vgs — Vr)®

(1.14)

where

2
Dy = 1\/4(]3651'1/15]\7,4 (to—x) (1.15)
3 oxr
where 1), is the surface potential and N4 is the acceptor concentration. It has
been found that the mismatch coefficient is directly proportional to the oxide
thickness and inversely proportional to square root of the gate area. Therefore,
for circuits using short channel length and narrow width transistors, mismatch
becomes a critical challenge. The other sources of mismatch due to line edge
roughness and oxide thickness variations are becoming significant in scaled
CMOS technology [52].

1.3.6 Transition Frequency

The increase of transition frequency, alternatively referred to as the unity
gain current frequency, is the most relevant analog benefit. The transition
frequency is given as [70]

9Im 1
5 —
Cas+Cap) L%

fr = o7 ( (1.16)

The transition frequency is almost inversely proportional to the square of the
gate length. Therefore, with the scaling of technology, the transition frequency
of a MOS transistor is significantly improved. This favors the use of CMOS
analog circuits for millimeter-wave applications.

1.3.7 Reliability Constraints

With the scaling of CMOS technologies, the yield and the reliability of in-
tegrated circuits becomes a critical challenge to the designers [60]. Smaller
devices combined with new materials are the cause of the increasing yield
and reliability problems [112]. For an ultra-scaled MOS transistor, even with
reduced supply voltage of nearly 1V, the strong electric field across the gate
oxide can cause damage leading to dielectric breakdown. In addition to this,
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with high electric fields, a phenomenon referred to as the hot carrier injection
(HCI) occurs. HCI manifests itself mainly as a threshold voltage shift. Degra-
dation of carrier mobility and a change of output resistance is also observed.
For p-channel MOS transistors, stressed with negative bias at an elevated tem-
perature, a phenomenon referred to as negative bias temperature instability
(NBTI) occurs. NBTI is typically seen as a threshold voltage shift. Degrada-
tion of channel carrier mobility is also observed.

1.4 Motivation for CAD Techniques

The two major driving forces which motivate all the research and development
activities in the area of computer-aided design techniques for integrated circuit
design are (i) an increasing design productivity gap and (ii) a design creativity
gap [66, 106]. These two are discussed in the following sub-sections.

1.4.1 Design Productivity Gap

A famous statistical observation is that the number of transistors used in
an integrated circuit increases by 58% per year while the capability of the
designers to design them increases by only 21% [106]. The fact that the number
of available transistors are growing faster than the ability to meaningfully
design them is referred to as the design productivity gap. It is illustrated in
Fig.1.15(a). The cost of a design is considered to be the greatest threat to
the continuation of the progress of semiconductor roadmaps. The primary
causes for this continual increase of design productivity gap are (i) increased
design complexity in the nano-scale process technology and (ii) reduced time-
to-market factor.

The increase of design complexities may be attributed to the following
reasons [66).

1. With the scaling of process technology, the number of transistors
per chip have increased significantly.

2. Present day applications demand integration of several new func-
tionalities and corresponding system architectures in the same sys-
tem.

3. The challenges involved within the integrated circuit design pro-
cedure using nano-scale CMOS technology have increased several
manifold.

4. Statistical variations of process parameters and device leakage cur-
rent become critical in determining the manufacturability and yield
of integrated circuits.
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5. The design team becomes large, requiring many kinds of expert
knowledge.

The design time eventually increases as the design procedure becomes
complex.

The time-to-market (TTM) factor is defined as the time required to get
a product to the market starting from its conceptualization [66]. The TTM
factor is very important for SoC markets for economic reasons in the sense
that if a vendor misses the initial market window relative to the competition,
prices and therefore profit, can be seriously eroded. The smaller the TTM
factor, the more revenue a vendor can earn.

The key to managing this increased design complexity while meeting the
shortening time-to-market factor is the use of well defined and accurately
characterized computer-aided design methodologies and design automation
tools [66].

1.4.2 Design Creativity Gap

For analog circuits, it may however, be noted that it is not the size of the de-
sign that creates challenge, though it is increasing day by day. Rather, it is the
difficulty of achieving the desired performances by the analog circuits designed
with scaled CMOS technology. The analog circuits embedded within an SoC
are very sensitive to non-idealities and all kinds of higher order effects, includ-
ing parasitic effects such as crosstalk, substrate noise, supply noise etc. For
analog designs, it has not yet been possible to construct a rigorous higher level
of abstraction which will efficiently shield out the effects of device-level and
process-level details on the circuit performances. The situations become worse
in the sub-90nm process technology, where the complex physics of MOS tran-
sistors critically affects the performances of analog circuits. This is currently
taken care of by the experienced designers using their intuition and creativ-
ity, which are virtually impossible to generalize and automate. Therefore, for
analog designs, a new type of gap occurs which is the difference between the
expected circuit performances and the performances actually achieved using
available design automation tools. This is referred to as the design creativity
gap. It is illustrated in Fig.1.15(b) It may be noted that the design creativity
gap becomes increasingly significant for customized digital circuits too, while
using nano-scale CMOS technologies [21].

Development of electronic design automation (EDA) tools alone do not
solve the problem of sufficient and quick design of nano-scale analog circuits.
It is essential to develop accurate and well-structured computer-aided design
techniques. The design techniques suitable for nano-scale IC design must in-
clude well documented knowledge of the fundamental physics of nano-scale
MOS transistor, standard libraries constructed through accurate characteri-
zation of device performances, numerical simulation and optimization tech-
niques with associated tools. It may be noted that the CAD techniques and
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the associated design automation tools are not meant for replacement of the
the designers, rather than to aid the designers to be creative, highly productive
and develop large circuits with high probability of first-time success.

1.5 Conventional Design Techniques for Analog IC
Design

This section presents a comprehensive discussion of the two commonly used
design techniques for analog circuits, including their salient features and short-
comings in the context of increased design productivity and the design cre-
ativity gap.

1.5.1 Bottom-Up Design Technique

The most commonly used design technique for analog circuit design is the
bottom-up design technique. Typically it consists of several steps: (i) defining
circuit inputs and outputs (formulations of circuit specifications), (ii) selection
of suitable circuit topology and preliminary determination of the transistor di-
mensions through hand calculations, (iii) simulation of the circuit and fixation
of the transistor dimensions, (iv) geometrical layout design, (v) simulations
including the geometrical layout parasitics, (vi) fabrication and (vii) testing
and verification. A flow chart for the bottom-up design technique is given in
Fig. 1.16.

The designer is responsible for all the steps except the fabrication. In the
first step, the inputs and the outputs of the circuit are synthesized. The next
step is to select a suitable topology which is able to meet the specifications.
The quality of the choice is based upon the designer’s experience and intuition.
The next design step consists of modeling and simulation of the circuit to
predict and analyze the performances of the circuit. The designers may need
to iterate these steps unless a suitable topology along with the dimensions
of all the transistors are obtained for which the specifications are satisfied
at the pre-layout stage. Subsequently, the geometrical layout of the selected
circuit topology is drawn and the necessary layout parasitics are extracted.
The circuit is further simulated taking into considerations the effects of the
parasitics on the circuit performances, and the performances of the circuit
are checked against the desired specifications. This is also an iterative task
and the layout of the circuit is refined. If results are satisfactory, the circuit
becomes ready for fabrication. After fabrication, the circuit is tested before it
is launched into the market as a packaged product.
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1.5.1.1 Advantages and Limitations

While designing a large circuit/system following this technique, the design
process starts with the design of individual sub-circuits/blocks, which are then
combined to form the complete circuit/system. The significant advantage of
this approach is that the device-level details of nano-scale MOS transistors
which critically affect the circuit performances are taken care of at the very
beginning of the design process through innovative topology design and sizing
of the sub-circuits/blocks. This approach is suitable for small designs, however,
for large designs, several limitations of this approach have been observed,

which are discussed below.

1.

For complex system design, the greatest impact on the functionality,
performance and cost of the system is observed at the architecture-
level. The architecture exploration and architecture optimization is
considered to be an important design task. However, there is no
provision of this design step in the bottom-up approach. Therefore,
such possibilities of improvements are often missed out in this ap-
proach.

After the individual blocks are designed and combined to form the
system, the verification task via a simulation process takes a huge
amount of time. Therefore, comprehensive analysis and verification
of design in a manageable time frame becomes difficult. The errors
arising out of the verification task are expensive to fix because this
involves redesign of the block.

Communication between the individual block designers is critical
for large SoC designs; however, this is performed in an informal
way in the traditional design technique. Therefore, any gap arising
at the interface of the design of the individual blocks often leads to
costly silicon respin.

Several important and expensive steps in the traditional design tech-
nique are performed serially which increases the design cycle.

Because of the lack of algorithmic approach in this technique, it is
not suitable for design automation.

1.5.2 Top-Down Design Technique

The two important principles of the top-down design technique are [8, 66, 25,
107] (i) to carry out the design task at several levels of abstraction and (ii)
to use a hierarchical design strategy at each level of abstraction. These are

discussed below.
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1.5.2.1 Abstraction Levels

The levels of abstraction are shown in Fig. 1.17. In the system concept stage
the specifications of a design are collected from the users and the overall prod-
uct concept is developed. A first-hand idea of the working of the overall system
may be demonstrated through specialized tools. Several design and manage-
ment issues such as selection of process technology, product cost, project man-
agement strategies, time-to-market factor etc., are formulated at this stage.
The various levels of abstractions are as follows.

1. The first level of the actual design process is the system design level.
The overall architecture of the system is designed and partitioned
into software and hardware components. The hardware components
are specified in suitable hardware description languages (HDLs).

2. The second level is the architectural design level. It consists of high-
level decomposition of the hardware part of the system into an
architecture consisting of several functional blocks and formulation
of specifications for the individual functional blocks. The functional
blocks are described with HDLs.

3. The third level is the cell design level. This consists of detailed
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transistor level implementation of the individual functional blocks
in the chosen process technology such that the specifications of the
individual blocks are satisfied.

4. The cell layout level consists of converting the transistor-level im-
plementations of the different blocks into geometrical level represen-
tations, i.e., layouts. The parasitics inherent in the cell layouts are
extracted and then the circuits are simulated to investigate the ef-
fects of layout parasitics on circuit performances and verified against
the desired specifications.

5. In the system layout level, the cell layouts are placed and routed
to form the system layout. Several issues such as crosstalk, power
grid routing, proper shielding etc., are taken care of in this stage. In
addition, suitable measures are taken to make the circuit testable.

6. Finally, the entire circuit of the complete system is fabricated and
tested. It may be noted that the verification by simulation process
is carried out at the individual levels of abstraction and the design
task at each level of abstraction often happens to be an iterative
procedure.

1.5.2.2 Hierarchical Design Strategy

The design process at each level of abstraction is carried out in a hierarchical
way, where the design task at the (i — 1) level of abstraction formulates de-
tailed specifications for the level i, which in turn formulates the specifications
for the level (i + 1). The design task at the i" level of abstraction consists of
three steps: topology selection, specification translation and design verifica-
tion, as shown in Fig. 1.18. The task of topology selection involves selection of
an appropriate topology out of a set of alternatives, which best meet the de-
sired specifications [66]. The specification translation task consists of mapping
the specifications at a particular level of abstraction onto the specifications
of the various sub-blocks forming the selected topology at that level of ab-
straction [66]. It may be noted that at the cell design abstraction, the task of
specification translation is referred to as circuit sizing, where the transistor
dimensions and biases are determined.

1.5.2.3 Advantages and Limitations

The top-down design technique overcomes the limitations discussed earlier for
the bottom-up technique. An architectural design step has been added in the
top-down technique. The task of verification is carried out at all levels of ab-
straction such that the verification of the overall system becomes simplified
because the main focus may now be given on the interfaces. Therefore, the
significant advantage of top-down design technique is the high probability of
fault detection at higher levels of abstraction, and therefore, has a high chance
of first-time-success, while obtaining a better overall system design through
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architecture exploration. The communication between various designers is bet-
ter handled in the top-down design technique.

The top-down design technique, although very successful for digital circuit
design, suffers from some important limitations when applied to analog circuit
designs.

1. The architectural design step is often carried out in somewhat
ad hoc fashion. The finer circuit-level details are many times ig-
nored at the architectural design level. This makes the resultant
architecture often infeasible at the cell design level of abstraction.

2. For analog designs, the design task often cannot be decomposed
cleanly so that the boundaries between the various levels of ab-
stractions are not distinct, rather the various sub-tasks are tightly
coupled. This is becoming significant with the down scaling of MOS
transistors in sub-90nm process technology. Therefore, a serious
mismatch occurs between the representations of the circuit used
in the architectural design stage and that used in the cell design
stage.

The idea of copying down the digital design technique for analog designs has
been discarded by the analog designers, who still prefer to rely upon the well
tested bottom-up design technique, in spite of its inappropriateness for design
automation.

1.6 Knowledge-Based CAD Technique for Analog ICs

The top-down design technique discussed earlier is a structured technique
which yields reasonably good results for standard digital circuits. In addition,
it is suitable for automation. However, this technique in its present form does
not allow the analog designers to inject substantial creativity as an inherent
part of the design process. What is missing in this technique is a procedure
for extraction and management of design insight/knowledge and the use of
this knowledge database in the design process. This is especially significant
for analog circuits designed with nano-scale CMOS technology. Apart from
this, there must be an algorithmic approach for the process of analysis and
design. In nutshell, the major limitation of the conventional design techniques
for analog ICs is the lack of algorithmic integration of the designers’ knowledge
and insight into a computer-aided design framework. This leads to the essen-
tial requirement of knowledge-based CAD techniques for analog ICs designed
with sub-90nm process technology. The motivation for knowledge extraction
and management is discussed in the next sub-section, followed by problem
formulation and an outline of the technique.
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1.6.1 Motivation for Knowledge Extraction and
Management

In sub-90nm CMOS process technology, the short channel effects of MOS tran-
sistors as well as other secondary effects play critical role in determining the
performances of the circuit and thus makes the task of the designers challeng-
ing. Traditionally the designers completely and even in some cases blindly rely
upon the SPICE simulation tool which internally takes care of all such effects
during the circuit simulation procedure. The SPICE simulation tool uses the
BSIM (Berkeley Short Channel /IGFET Model) compact model. The state-
of-the art BSIM compact model for sub-90nm design is BSIM4. The situation
is then handled through parametric SPICE simulation and sizing of transistor
dimensions or even topology utilizing designers’ knowledge and intuition. The
situation is thus obviously better handled by experienced designers.

Accurate characterizations of the short-channel effects of MOS transistors,
statistical process variations and reliability constraints are the two major tasks
for successful computer-aided design of nano-scale analog ICs. The character-
ization data must be well documented and efficiently managed so that the
extracted knowledge may be embedded within the design framework.

The task of knowledge extraction and management may be accomplished
through development of good high-level mathematical models. A good model
must incorporate all relevant information and experience of the circuit to
be designed. Good models are considered to be among the cornerstones of
an efficient knowledge-based CAD technique. Models of different types are
required. These are behavioral, performance and feasibility. In the present
text, the models will be limited to the pre-layout simulation stage only, or in
other words, the models are high-level models.

1.6.2 Problem Formulations

First some terminologies are defined, followed by formulation of the general
design problem.

1. The design variables refer to the specification parameters of the
component blocks used in the topology, e.g., gain, bandwidth, etc.,
of an amplifier at the architecture-level design abstraction, or tran-
sistor dimensions at the transistor cell-level design abstraction. The
design variable vector is denoted by &

2. There are two kinds of design objectives: functional objectives py
and performance objectives p,. The functional objectives need to
be met by the design in order to be functional. The performance
objectives such as power consumption, area etc. need to be mini-
mized.

3. The design variables are constrained within a boundary defined by
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the upper limits and lower limits. These form a feasible design space
D within which the optimal design solution must lie.

In a knowledge-based CAD technique, the design problem is translated into a
function minimization problem which is solved through numerical optimiza-
tion algorithms in an iterative manner. This is mathematically written as
follows

Minimize pp (@)
subject to pr(@) >0 and @€ D (1.17)
where a e R

1.6.3 Outline of the Procedure

An outline of the procedure is illustrated in Fig. 1.19. The procedure starts
with initialization of the design variables. The entire procedure is an iterative
process, where the design variables are updated at each iteration, until an
equilibrium point is reached. The degree of compliance of the design perfor-
mances with the optimization goals at each iteration is quantified through a
cost function. The two important modules for this procedure are a high-level
model and an optimization engine. The implementation of the design method-
ology is based upon the flow of information between these two modules. The
high-level model provides a way to evaluate the optimality of the design with
regard to the intended requirements. On the other hand, the optimization
engine deals with the cost function and explores the available design space
to minimize such a function. The cost function being minimized during the
optimization process contains two types of terms: terms related to functional
objectives and terms related to performance objectives. The procedure stops
when both the desired objectives are optimally satisfied.

There are two different approaches for evaluation of functional and perfor-
mance objectives: namely the simulation-based approach and the analytical
model-based approach. The basic principles of these two approaches are dis-
cussed below.

1.6.3.1 Numerical Simulation-Based Evaluation

In this approach, the process of the evaluation of functional and performance
objectives inside the optimization loop of Fig. 1.19 is implemented through
a numerical simulation technique, e.g., SPICE simulation. The user needs to
provide the desired specifications of the component blocks and a simulation
plan for each of these specifications. Such plan includes the test set-up (in-
put sources, loads, feedbacks, etc.), the input signals to be applied, simulation
commands and the required data processing of the simulation results to obtain
the desired objectives. A serious problem with this approach is the required
simulation time of a single evaluation procedure. Since global optimization
techniques typically take several thousands of iterations, the evaluation time
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of one complete run will be unacceptable, if one evaluation takes more than
a few seconds. On the other hand, an important advantage of this approach
is that the process is accurate and flexible. The user can program a new de-
sign problem in a minimum amount of time. A simulation-based technique for
architecture-level design and optimization of analog RF receiver front-ends is
described in [35]. The design methodology works to evaluate the performance
of an RF receiver topology and automatically translates high-level system
specifications into a set of specifications for each building block in the topol-
ogy such that the overall power and/or area consumption of the receiver is
minimized. Similar works for a XA modulator design are reported in [59, 6].

1.6.3.2 Analytical Model-Based Evaluation

This approach uses analytical models for evaluations. The models consist of
a set of analytical equations which directly relate the functional and perfor-
mance specification objectives of a component block to the design variables
of the component block. These equations can be derived using automated or
handcrafted symbolic analysis [66]. An important advantage of this approach
is that the process of evaluation of a set of equations is much faster com-
pared to the simulation process. Therefore, the execution time of a complete
optimization process is generally small. The disadvantage is the much larger
setup time. The user needs to derive all the design equations, which is a diffi-
cult, time consuming and error-prone task. The accuracy of the performance
equations compared to circuit-level simulation results is often not good. In
addition, several performance characteristics cannot be suitably captured by
analytical equations. Furthermore, the design equations are often very spe-
cific to the topology of the component block and cannot be reused for other
topologies. Symbolic equation-based high-level design procedures have been
reported in [48, 49]. This technique has also been applied to the high-level
design of ¥A modulator in the SD-OPT tool [128].

1.6.4 Salient Features

Some important salient features of this technique are

1. This design technique is to be performed hierarchically at all levels
of design abstractions, as summarized in Fig. 1.17. At each level,
the design objectives and the design variables change, however.

2. The major limitation of the conventional top-down design approach,
i.e. the inability of the designers to inject designers’ knowledge into
a CAD framework is overcome through the construction of high-
level models and use of the same.

3. The nano-scale effects of the MOS transistors can be accurately
incorporated within the high-level models so that it is possible to
consider such issues carefully.
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4. The design task is formulated as an optimization problem which
requires a minimum amount of intervention of the designers during
execution. Once the high-level models are efficiently constructed
these can be embedded within the optimization procedure.

Construction of suitable high-level models considering all sorts of nano-
scale effects, and a robust optimization procedure are the two mandatory
tasks for the success of the present approach for efficient design of nano-scale
analog ICs.

1.7 Summary and Conclusion

This chapter presents a comprehensive overview of the concepts of technology
scaling and the effects of technology scaling on CMOS analog circuit design.
The two theoretical models of scaling, namely the constant field scaling and
the constant voltage scaling have been discussed. The variations of the vari-
ous important device parameters with technology node have been illustrated
graphically based on ITRS specifications and PTM parameters. It has been
found that the technology scaling of the various device parameters follows
in practice, a combination of the field and the voltage scaling. The critical
challenges of nano-scale analog IC design, namely the deterioration of out-
put resistance and intrinsic gain, gate oxide leakage current, drain current
mismatch, noise performance etc., are discussed. The power consumption for
analog circuits designed with reduced supply voltage is also discussed. The
requirements of CAD techniques to cope with the challenges due to increased
design complexity and reduced time-to-market factor has also been discussed.
The advantages and limitations associated with the conventional design tech-
niques have been mentioned. Finally, the knowledge-based CAD technique has
been introduced. This is believed to be the state-of-the art technique required
for nano-scale analog IC design. This technique will be discussed in further
detail in the subsequent chapters.
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High-Level Modeling and Design ‘Techniques

2.1 Introduction

The success of the knowledge-based computer-aided design technique dis-
cussed in Chapter 1 is dependent on the efficient implementation of two dif-
ferent modules: (i) the high-level models and (ii) the optimization procedure.
The term “high-level” as used in the present text means the pre-layout level.
The high-level models serve three distinct purposes [160]. First, these are used
as alternatives to the conventional approach of SPICE-based design simula-
tion for verification purpose. The models which are specially constructed for
this purpose are referred to as behavioral models [156]. Second, high-level
models are used for evaluation of functional and performance objectives of a
design during the design optimization and exploration procedure. The models
which are specially constructed for this purpose are referred to as perfor-
mance models [101]. The performance models are thus used as alternatives to
the SPICE-based simulation procedure for design evaluation. Third, high-level
models are often used to judge the feasibility of any design solution during the
design optimization procedure. The models which are specially constructed for
this purpose are referred to as feasibility models [178]. The optimization pro-
cedure is used for design space exploration for the selection of an optimal
design. The procedure needs to be accurate and reliable without consuming
too much CPU time. The computational complexity of the procedure needs
to be good.

For sub-90nm analog IC design, a paradigm shift in the design methodol-
ogy is required. The conventional CAD technique needs to be complemented
with the technology CAD (TCAD) technique for incorporating the enhanced
physical effects of MOS transistors, statistical process variabilities and time
dependent reliabilities. The objective of this chapter is to present a compre-
hensive discussion of the fundamental principles of the construction procedure
for high-level models and optimization algorithms. The implementation issues
are also discussed. The extension of the knowledge-based CAD technique to
nano-scale analog IC design through the integration of TCAD technique is
also discussed in detail.
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2.2 High-Level Model

A high-level model of a component block is defined as a set of mathematical
models which expresses the input-output behavior, performance parameters
and feasibility of the design as functions of the various design variables of the
component block [64]. The high-level models are of three different types: (i)
behavioral model, (ii) performance model and (iii) feasibility model. These
are discussed in the following sub-sections.

2.2.1 Behavioral Models

Let us consider a circuit, C' shown in Fig. 2.1 transforming an input signal, U
into an output signal, Y. Suppose the circuit is governed by a vector of design
variables @ € R™= that influences its behavior. Then

Y =B(U,a) (2.1)

Here B is called the behavioral model of the circuit C'. The mathematical
modeling of the circuit’s input-output behavior is called behavioral modeling
[123, 152].

The behavioral models are used for design verification. Therefore, these are
instance oriented, i.e., these are constructed for a certain circuit only and the
device level details of the circuit are fully known during the construction of
these models. For the first hand verification of a large circuit consisting of sev-
eral thousands of devices, the full SPICE-based design verification procedure
simply becomes prohibitive in terms of CPU time. For such cases, accurate

Design Variables a

l

Input Signal U Output signal Y

—P> Circuit C —>

Performance
parameters p

FIGURE 2.1
A circuit C consisting of design variables a, with input signal U and output
signal Y.
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instance oriented models are used as replacements of the lengthy numerical
simulation procedure. The instance oriented models must accurately replicate
the input-output functionality of the circuit. Such model-based verification
procedure offers the designers much more flexibility and convenience through
the design procedure, especially if these are used in a hierarchical fashion at
all levels of abstraction [9].

2.2.2 Performance Models

The various performance parameters p € " of the circuit are dependent
upon the output signal ¥ and the design variables &. Mathematically this is
represented through

5= P(Y,4) (2.2)

where p is a vector of all performance parameters, e.g., bandwidth, slew rate
for a component block, @ is a vector of all design variables such as transistor
sizes, values of the various resistors and capacitors. Eliminating ¥ and con-
sidering the fact that U is constant for changes of the design variables, it can
be written

5=P(@) (2.3)
The mathematical modeling of this relationship is called performance model-
ing [141].

It may be noted that the behavioral models are necessary but not sufficient
for use in an automated design optimization and exploration procedure. Pa-
rameterized performance models are required for this purpose. These models
must predict the performances of the component block as a function of its de-
sign variables. Since the device level details of the circuit are often not known
during the construction of the parameterized performance models, some loss
of model fidelity is often accepted.

2.2.3 Feasibility Models

A specification translation/circuit sizing procedure often yields overambitious
values of the various design variables for the component blocks of a system.
This happens if the desired functional objectives as well as the implementation
related limitations of the underlying circuit components are not taken into
account during the sizing process. Well characterized feasibility models are
therefore needed, in order to limit the circuit sizing process to determine
feasible values of the various design variables of the component blocks while
satisfying the desired functional objectives and minimizing the performance
objectives [76].

The task of circuit designers is to determine the design variable set & either
through automated procedure or manually. For all parameters, the designers
based on their experience, specify a feasible parameter region

D = {ale(a)] = 0} (2.4)
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Mapping of feasible design variables to feasible performance parameters.

Here ¢(@) is a single nonlinear vector inequality imposed on the design vari-
ables. Thus the feasible parameter range is defined as the set of design variable
values that satisfy the imposed constraints. The feasible performance region
is defined as the set of performance parameters p; which are constrained
within a boundary such that the overall circuit is functional. The feasible
performance parameters result from a region D of feasible parameter values.
Mathematically this is defined as

A={pslp=P(@) >0Aa €D} (2.5)

The mapping of the feasible design variables to feasible performance parame-
ters is schematically illustrated in Fig.2.2.

2.2.4 Characteristics of Good High-Level Models

The key to success of a CAD technique is the construction of a good high-level
model. The model needs to be good in four senses. First, it must accurately
represents all practical circuit behavior. For example, a high-level model for a
voltage amplifier must capture all of the relevant behavior that characterizes
an amplifier’s transistor-level implementations. Use of an inaccurate model
leads to error in the verification procedure. Second, the model needs to be
computationally simple. Simple models are, however, often found to be inac-
curate. Thus managing the accuracy and simplicity of the high-level models
is the greatest challenge in model generation techniques. Third, the construc-
tion time of a high-level model should be low. Fourth, the model needs to
be scalable with respect to transistor sizes, biases and process technology.
Systematic generation of good high-level models is considered as one of the
largest problems in an analog CAD technique [64].
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2.3 Behavioral Model Generation Technique

This section presents three important techniques for generation of behavioral
models. These are the manual technique, the model order reduction technique
and the symbolic analysis technique.

2.3.1 Manual Abstraction

The most prevalent approach toward creating a behavioral model is the man-
ual abstraction. The complete behavior of a component block is split up into
two parts—fundamental/ideal behavior and non-idealities. For any analog
component block, the ideal behavior is generally a simple mathematical oper-
ation such as scaling, integration, multiplication, etc.,. The non-idealities are
then modeled in terms of the effects they introduce, e.g., distortion, rather
than in terms of the causes, e.g., transistor sizes or particular topologies.
Simulation frameworks like Simulink, AMS Designer/Verilog-AMS, etc.,., are
suitable for implementing the models.

The technique is illustrated with an example for modeling the transfer
function and noise properties of a switch-capacitor (SC) integrator, as shown
in Fig. 2.3(a). The z-domain transfer function of the integrator is given by

C, =zt

H(Z):C_f]_—z_l

(2.6)

Cs/Ct = b represents the coefficient of the integrator. The most important
noise sources affecting the operation of an SC integrator are the thermal
noise due to the sampling switches and the intrinsic noise of the operational
transconductance amplifier (OTA). The thermal noise associated with the
switching is modeled as follows

y(t) = b.[z(t) + ns(0)] (2.7)

ns(t) = \/gmv(t) (2.8)

where Cj is the input sampling capacitor, RN (t) is a Gaussian random number
with zero mean and unity standard deviation. The behavioral modeling of the
switch noise is shown in Fig. 2.3(b)

The input referred thermal noise of the OTA is modeled as

where

Z(t) = b.TLOTA(t) (2.9)

where

nora(t) = V. RN (1) (2.10)
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FIGURE 2.3

Manual approach for construction of high-level model using Simulink®.
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where b is the integrator gain, V;, represents the rms noise voltage of the OTA
referred to the integrator input. The behavioral modeling of the switch noise
is shown in Fig. 2.3(c)

Several works are available in literature which adopt this technique for
behavioral model generation. Behavioral modeling of switched-capacitor XA
modulators following this technique using the Simulink platform is presented
in [6, 120, 201]. Behavioral modeling and simulation of pipelined ADC and
PLL following this technique are discussed in [159] and [123] respectively.

While the manual approach is the only feasible approach even today for
many complex blocks, it has a number of limitations. The numerical simu-
lation technique usually does not provide abstracted parameters of interest
such as poles, residues, modulation factors etc. Extracting these manually by
processing the simulation results is inconvenient, computationally expensive
and error prone. The manual approach often misses some significant nonide-
alities and interactions which are critical in the design verification process.
The situation is getting worse with the down scaling of MOS technology to
the sub-90nm regime. Adequate incorporation of nonidealities in the high-level
models using the manual approach, if not impossible, is typically complex and
laborious. As a result, the potential improvement in the time-to-market fac-
tor with the use of a model-based verification procedure can be substantially
negated by the time and effort required to first construct the models.

2.3.2 Model Order Reduction Technique

The model order reduction approach is an algorithmic approach for transfor-
mation of a large set of mathematical equations to a much smaller one. The
technique is general in the sense that as long as the equations of the original
circuit are known (may be through SPICE simulations), the internal structural
details and operating principles are not required. These reduced order models
simulate much more efficiently, while accurately approximating the response
of a real circuit. This approach is discussed here for linear time invariant (LTT)
and linear time varying (LTV) systems. A fairly complete survey of model or-
der reduction techniques is provided by Roychowdhury in [157, 156], which
forms the basis of the following material.

2.3.2.1 MOR for LTI Systems

Let us consider the basic structure of an LTI block as shown in Fig.2.4, de-
scribed by a set of differential equations as follows

Ei = Az(t)+ Bu(t)
y(t) = CTx(t)+ Dul(t) (2.11)

In (2.11), u(t) represents the input to the LTI block, y(¢) represents the out-
put and x(¢) represents the internal state variables of the block. A, B,C, D
and F are constant matrices. This type of state space equation can easily be
constructed either from a SPICE netlist or from some AHDL descriptions.
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FIGURE 2.4
LTT block.

The dimension n of z(t) is assumed to be very large. The basic idea of model
order reduction is to construct an equivalent state space representation of the
LTT block, given by

Ei = Ai(t) + Bu(t)
gt) = CTa(t) 4+ Du(t) (2.12)

For meaningful reduction, the size ¢ of the reduced system needs to be much
smaller than n, i.e., the size of the original, however, keeping the original
behavior identical. In the asymptotic waveform evaluation (AWE) technique,
the explicit moments of the transfer function of the original system as well as
the reduced system are kept identical. These moments are defined as follows
[144]

_ dH(s) _ d*H(s)

my = 9 ma =
2
ds s=s0 ds s=s0

(2.13)

where sg is the frequency point of interest. The explicit moment matching
method is useful for interconnect network problem for timing analysis. How-
ever, this is observed to become numerically instable as the size of the re-
duced model becomes greater than 10. To alleviate this problem, the Krylov
subspace MOR, technique [58] has been proposed, which performs implicit
moment matching rather than the computation of the moments of the full
system explicitly at any point. In the Krylov subspace MOR technique, two
projection matrices V € "> and W7T € R7*™ are constructed, such that the
reduced system is given by

WTE: = WTAV z(t) + WTBu(t)
N—— N—_—— N———
B A B
y(t) = COTVa(t) + Du(t) (2.14)
¢

Krylov subspaces are computed using either the Lanczos process or the
Arnoldi process [161]. If the Lanczos process is used to compute the Krylov
subspaces, then W7V ~ I, which means that the two projection bases are
bi-orthogonal. On the other hand, if the Arnoldi process is used then W =V
and WTV = I. Krylov subspaces MOR techniques are shown to capture well
the dominant poles and residues of the system.
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2.3.2.2 MOR for LTV Systems

The MOR technique for LTI systems cannot be directly applied for linear time
varying (LTV) systems. The main difference between LTI and LTV systems
is that if the input to a LTV system is time shifted it does not necessarily
imply that the output will be time shifted by same unit. However, the linearity
property remains the same for both the systems. A class of practical nonlinear
circuits such as RF mixing, switched capacitor and sampling circuits can be
represented by the LTV model. The behavior of a LTV system is described
by the following time-varying differential equations

E@®)z = A(t)z(t) + B(t)u(t)
y(t) = Ct)Tz(t) + D(t)u(t) (2.15)

Time variation in the system is captured by the dependence of A, B, C, D and
FE on t. For several practical cases, this time variation is periodic, e.g., for mixer
circuits the local oscillator input is often a sine or a square wave, switched
systems are driven by clock signals. Because of the time varying characteristics
of the impulse response and transfer function, LTI MOR techniques cannot
be directly used to reduce LTV systems. The LTV system (2.15) first needs
to be expressed as an LTI system (2.11) with extra artificial inputs which
capture the time variation. The corresponding LTT system is then reduced by
employing any LTI-MOR technique. The reduced LTI system is transformed
back to LTV form. The use of different LTT MOR techniques, such as the AWE
technique, Krylov subspace technique within this framework for reduction of
LTV system has been demonstrated in literature [155].

2.3.2.3 MOR for Nonlinear Systems

It may be noted that for completely general nonlinear systems, currently there
does not exist any technique that is capable, at least in principle of reducing a
large system that conforms to any reasonable fidelity metric. This is because
of the fact that nonlinear systems are richly varied with extremely complex
dynamical behavior. For practical circuits such as linear amplifiers and mixers,
the nonlinear performances such as distortion and intermodulation are han-
dled by limiting these to a very small fraction of the output of the linearized
system. Thus a nonlinear system is converted to a weakly nonlinear system.
A nonlinear system is described by a set of nonlinear differential algebraic
equations as follows

g(z(t)) = f(x(t)+ bu(t)
y(t) = () (2.16)

In (2.16), f(.) and ¢(.) are nonlinear vector functions. Assuming weakly non-
linear functions, f(z) and g(x) are approximated by low-order polynomials.
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This is obtained by retaining the first few terms of the Taylor series expansion
of the nonlinear functions, as follows

f(@) = f(wo) + Ar(z — 20) + Az(x — 20)* + ... (2.17)

Here xg is typically the DC solution. With this approximation and assuming
q(z) = z for simplicity, (2.16) can be written as

.’L‘(t) = f(.%‘o) + Ai(x —xo) + AQ(I — I0)2 + ... + bu(t)
y(t) = () (2.18)

The advantage of this approach is that several existing techniques such as the
Volterra series theory [167] and weakly nonlinear perturbation techniques can
be used to compute the response of the system. Weakly nonlinear systems are
well represented by second order polynomials. The polynomials, in general are
however, known to be extremely poor global approximators because of their
oscillatory nature. Another useful method to approximate nonlinear function
is to use a piecewise linear (PWL) approximation. The idea is to split the
state space into a number of disjoint regions, and within each region, a linear
function is used to approximately match the nonlinear function. This may
even be extended to a piecewise polynomial (PWP) method which combines
weakly nonlinear MOR techniques with the piecewise idea, by approximating
the nonlinear function in each piecewise region by a polynomial rather than
a purely linear one [50]. PWP technique is found to be extremely useful for
generation of behavioral models for practical circuits such as operational am-
plifiers in which strong and weak nonlinearities both play important functional
roles.

It needs to be appreciated that the task of generation of a behavioral model
for practical analog circuits in an automated way is very difficult. Formulation
of a generalized technique for construction of behavioral models of analog
circuits is extremely complicated, if not impossible. This is because of the very
diverse behavior of the analog circuits. The PWL method is specialized. The
PWP method, although heuristic, is broadly applicable. Despite the progress
made so far, still more research in the area of automatic generation of reduced
order models is certainly needed.

2.3.3 Symbolic Analysis Technique
2.3.3.1 Basic Concepts

Symbolic analysis at the circuit level is defined as the formal technique for
determining the behavior or characteristic of a circuit with the independent
variable (time or frequency), the dependent variables (voltages and currents),
and (some or all of) the circuit components denoted by symbols. An excellent
tutorial introduction to symbolic analysis technique has been provided in [61,
63, 151]. The technique is complementary to numerical analysis and qualitative
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Active RC filter.

analysis. It has been possible to automate the symbolic analysis technique to
a large extent and several computer programs have been developed which
receive the circuit description as input, automatically carry out the symbolic
analysis and thus generate the symbolic expression for the desired circuit
characteristic. Analog Insydes is a well-known commercial tool for symbolic
analysis of analog circuits.

For lumped LTT circuits, the symbolic analysis technique yields symbolic
network functions in the complex frequency variable ¢ (s in the continuous
time domain and z in the discrete time domain). Typically this is as follows.

> o'.ai(p1,p2; s Pm)

N(Uap17p27"'7pm) _ 4
D(U’pl’p2""’pm) Zai-bi(plap%'“apm)
%

H (o) = (2.19)

where in the partially expanded form on the right, the coefficient a;(...) and
bi(...) of each power of ¢ for both the numerator and denominator polynomial
are symbolic polynomial functions in the circuit elements p;. These polynomi-
als can be in a nested format or expanded into the sum-of-product form. This
is illustrated with the example of an active RC filter, the schematic of which
is shown in Fig. 2.5. The symbolic transfer function of this circuit is [63]

{—G4G8(G1G2G9 + G1G3Gg + G1G9G11 + GoGgGg + G2G6G10) +
$G7Co(G1G3Gy + G1G3G1o — G2G5G9 — G2G5G1p) — 52G2G7C1C'2(G9 + Gro)
}/{G11(Go + G10)(G4GeGs + sG5G7Cs + s°G7C1Ca)}

Here Gx is the conductance corresponding to resistor Ry . In the deriva-
tion, the operational amplifier has been considered to be ideal. More realistic
models could have been taken.
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FIGURE 2.6
Small signal model of the transistor amplifier circuit.

2.3.3.2 Methodology

In order to explain the basic methodology of the symbolic analysis, let us
consider a bipolar single-transistor amplifier as shown in Fig. 2.6. The input
is a SPICE netlist. A linearized small-signal equivalent model of the circuit
is generated. The behavior of the linearized circuit is described by a set of
equations with symbolic coefficients, which is shown in matrix form below.

_ Vin 2.21
9m go+gLHVout] [ 0 } (2.21)

After simplification, the simplified form of the network function is

V.
Tout _ _gm (2.22)
Vi 9e
The network function is obtained by algebraic operations on this set of
equations. This method of obtaining a symbolic network function is referred
to as the algebraic (matrix or determinant) method. An alternative technique
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is to represent the behavior of the linearized circuit with a graph contain-
ing symbolic branch weights. The network function is obtained by suitable
operations on this graph, such as the enumeration of loops or a spanning tree.

2.3.3.3 Simplification of Expressions

Whatever technique is used, the symbolic network function so generated can
be further post-processed in order to make the function compact [152]. This is
desired to reduce the CPU time and memory consumption required for large
circuits. With this, an approximate symbolic expression h(p) for the original
symbolic circuit characteristic g(p) is obtained such that

where €4, is a predefined error. The approximation technique consists of
discarding less significant terms from an expression. Consider, for example, the
expression gm1 + go1 + go2 + $S(Cr + Cap1). If it can be assumed that g1 >>
go1, 902 and Cp >> Cgp1, then this expression can be simplified to ¢, +
sCp. The simplified expression distinctly reveals the dominant contributions
at the penalty of a small error. Thus symbolic expression approximation is a
trade-off between the expression accuracy (error) and the expression simplicity
(complexity).

There are several strategies for simplification of a symbolic function. These
are (i) simplification after generation (SAG), (ii) simplification during gener-
ation (SDG) and (iii) simplification before generation (SBG). The SAG tech-
nique is the conventional technique in which the exact symbolic solution is
first calculated and then the least significant terms are eliminated. Only a few
terms of the generated expression are usually kept, so that a lot of resources
required to generate the pruned terms are wasted. The SDG techniques aim to
calculate directly an approximated solution, which contains only the dominant
terms. The idea is to build the wanted simplified expression by generating the
terms one by one on decreasing order of dominance, until the approximation
error is below the maximum user-supplied value. The SDG technique offers
two advantages over the conventional SAG technique. First, the analysis pro-
cedure is fast as there is no wastage of time in generating insignificant terms,
and second, the complexity of the circuit that can be analyzed is increased due
to smaller memory consumption. In order to further extend the capabilities of
the symbolic analysis technique to a larger circuit, that is still used as a big,
flat circuit, the SBG technique is used. This consists of a priori removal of
unimportant elements or shortening of nodes. Partial removal of elements in
order to make the circuit small is also allowed. For example, biasing circuitry
may be replaced by a single voltage or current source, because it will not affect
the input-output transfer function of the circuit. But it makes the symbolic
calculations complex. The added value of SBG is that it quantifies the impact
of every simplification.
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FIGURE 2.7
Flow chart for the steps of formulating an optimization problem.
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2.4 Introduction to Optimization Techniques

The optimization procedure is the second major component of the knowledge-
based CAD techniques discussed in Chapter 1. An optimization algorithm is
procedure that is executed iteratively by comparing various candidate solu-
tions within a defined search space till the optimum or a satisfactory solution
is obtained [42, 20]. This section provides a comprehensive discussion about
the formulation of a general optimization problem and the commonly used
solution techniques.

2.4.1 Optimization Problem Formulation

A flow chart illustrating the tasks for formulating an optimization problem is
provided in Fig. 2.7. The task of formulating an optimization problem begins
with the task of identification of the design variables. The design variables are
those variables which are primarily varied through an iterative procedure in
order to get an optimal solution. While the final solution depends upon several
design variables, only those parameters which have dominant first order effect
on the solution are generally considered as design variables in an optimization
problem. The efficiency and speed of optimization algorithms critically depend
upon the number of selected design variables. The first thumb rule of formu-
lating an optimization problem is to select a small set of design variables at
the beginning. Depending upon the performance of the algorithm in terms of
finding an optimal solution and computational complexity, the size of the set
can be increased. In a circuit sizing problem, the transistor size is the design
variable considered to critically affect the performance which is selected to be
optimized.

The second task is the formulation of constraints associated with the op-
timization problem. The constraints represent some functional relationships
among the design variables, which are as significant as the function to be
optimized. In fact, a solution which appears to be the best in optimizing an
objective function if not satisfying the constraints will not be considered as
a feasible solution, and hence, will be discarded. For example, in a circuit
sizing problem, if the problem is minimization of power dissipation, then con-
straints may be the satisfaction of desired gain and bandwidth. There are
usually two types constraints used in an optimization problem: the inequal-
ity constraint and the equality constraint. Inequality constraints signify that
the functional relationship among the design variables are either greater than,
smaller than, or equal to a desired value. On the other hand, equality con-
straints signify that the functional relationships should exactly match a desired
value. The latter type of constraints are usually difficult to meet and need to be
avoided, wherever possible. Equality constraints are sometime helpful in elim-
inating the number of design variables and hence reduce the number of design
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variables of an optimization problem. For example, in a circuit sizing problem
for determining the sizes of a differential amplifier, the transistor dimensions
of the input MOS transistors are equal. Therefore, either of these can be
considered as the design variable, instead of selecting both of these.

The third task is to formulate the objective function in terms of the design
variables. A majority of the optimization problems involve minimization of
the objective function. However, some problems involve maximization, which
in turn can be converted to a minimization problem by multiplying the ob-
jective function with —1 and vice versa. In several problems, there could be
more than one objective that the designer may want to optimize simultane-
ously. Such classes of optimization problems are referred to as multi-objective
optimization problems. The multi-objective optimization algorithms are com-
plex and computationally expensive. Hence, if possible, these may be avoided.
A well known approach to avoid multi-objective optimization problem is to
consider the most important objective as the objective function of the opti-
mization problem, and treat the other objectives as constraints by restricting
their values within a certain range.

The final task of the optimization problem formulation is to set the min-
imum and the maximum bounds on each design variable. The task of de-
termination of the variable bounds is not an easy one and requires detailed
knowledge of the problem under consideration. A useful approach to select
the variable bounds is to make an initial guess about the optimal solution and
select the variable bounds based on it. Then these may be improved by actu-
ally solving the problem. If the design variables corresponding to the optimal
solution are found to lie on or near the minimum or the maximum bound, the
chosen bound may not be correct.

After completion of all the tasks, the optimization problem can be math-
ematically written in a special format, known as the nonlinear programming
(NLP) format, which is as follows [42]

Minimize f(a)

subject to
gj(a) =0, J=1,2,.,J; (2.24)
hi(a) =0, k=1,2,..,K;
oD <ao; < o) i=1,2,...,N;

The constraints are written so that the right-side of the inequality or equality
sign is zero. It may be noted that the four tasks mentioned above are not
independent of each other. Some constraints may be included or deleted by
the designers while formulating the objective function. Even the selection of
design variables in some cases is fine tuned after some iterations. Whatever
updating of these is made, depends upon the nature of the problem and the
kind of optimization algorithms that are selected. Therefore, it is evident that
it is almost impossible to apply a single formulation procedure to all design
problems.
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2.4.2 Optimality Criteria
The following three types of optimal points are first defined [149, 42].

1. A point or solution «o* is said to be a local optimal point if there
does not exist any point in the neighborhood which has a function
value smaller than f(a*)

2. A point or solution o** is said to be a global optimal point if no
point in the entire design space has a function value smaller than
fla™)

3. A point or solution o* is said to be an inflection point if the function
value increases locally as a* increases and decreases locally as o*
reduces, or if the function value decreases locally as a* increases
and increases locally as a* decreases.

Without presenting the mathematical derivations, the sufficient conditions of
optimality are given as follows[42]:

Let at the point o, the first derivative of the function be zero and the first
nonzero higher derivative be denoted by 0; then

e If 0 is odd, a* is an inflection point

e If 0 is even, a* is a local optimum.

1. If the derivative is positive, o™ is a local minimum.

If the derivative is negative, o is a local mazimum.

2.4.3 Classification of Optimization Algorithms

The optimization algorithms are classified into a number of types, which are
now briefly discussed.

2.4.3.1 Single-Variable Optimization Algorithms

Single-variable functions involve only one variable. Therefore, single-variable
optimization algorithms are very simple. These algorithms are again classi-
fied into two types: direct techniques and gradient-based techniques. Direct
techniques do not require any derivative information of the objective function;
only objective function values are used to guide the search process. On the
other hand, in the gradient-based techniques, the first and/or second-order
derivatives of the objective function are used to guide the search process.

2.4.3.2 Multi-Variable Optimization Algorithm

Here the objective function consists of more than one design variable. In a
multi-variable function, the gradient of a function is a vector quantity. As-
suming that the objective function is a function of N variables represented by
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t

aq,aa, ..., ay, the gradient vector at any point at is represented by V f(at)

and is defined as follows [42, 149]:
o of ﬁ)T (225)

8a1’ 8a2 T 8aN

via) = (

at

The first-order partial derivatives are computed numerically. The second-order
derivatives for a multi-variable function form a matrix, which is known as the
Hessian matrix and is defined as follows:

r 2’ 0% f _o0%f
da? da10as Qo an
o’ f o%f _o%r
Oa Oap a3 tt Qazdan
9 f *f *f
L dandai danOaz  7° A3, d 5t

The first and second-order derivatives are computed numerically through the
central difference technique. The optimality criteria is

A point &t is a stationary point if Vf(al) = 0. Furthermore, the point
is a minimum, a mazimum, or an inflection point if V2f(al) is positive-
definite, negative-definite, or otherwise. A commonly used way to identify
whether a matrix is positive-definite or not is to evaluate the eigenvalues of
the matrix, If all the eigenvalues are positive the matrix is positive-definite
[183]. The alternative approach is to calculate the principal determinants of
the matrix and if all the principal determinants are positive, the matrix is
positive-definite.

2.4.3.3 Constrained Optimization Algorithms

Constrained optimization algorithms locate the final solution point within a
feasible search space. The constrained optimization algorithms are grouped
into direct and gradient-based methods. Some of these algorithms employ
single-variable and multi-variable unconstrained optimization algorithms.
Constrained algorithms are mostly used in engineering design problems. A
general constrained optimization problem is defined in (2.24). The Lagrange
multiplier method is an elegant formulation to obtain the solution to a con-
strained problem [198]. It allows the transformation of a constrained problem
into an unconstrained problem. Using this technique, the inequality and equal-
ity constraints are added to the objective function to form an unconstrained
problem. The following Kuhn—Tucker conditions are obtained by satisfying
the first-order optimality condition of the resultant unconstrained problem.

J K
Vi@ = B;Vgi@) =Y MVhi(a) =0 (2.27)
j=1 k=1
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(@) >0, j=12, ..,
hi(@) =0, k=12 ..,
(@)=0, j=12 ..,
B; >0, j=1,2..,J;

J;
K;
J

b

The Lagrange multiplier 3; corresponds to the j-th inequality constraint and
the multiplier A; corresponds to the k-th equality constraint. In the K-T condi-
tion, the first equation is due to the optimality condition of the unconstrained
Lagrangian function. The second and third equations are required for satisfy-
ing the constraints. The fourth equation arises only for inequality constraints.
This is defined such that if an inequality constraint is inactive at a point &,
ie., g;j(@) > 0, B; = 0 and if the constraint is active, i.e., g;(@) = 0, then
B;ig; = 0. The final inequality condition suggests that in the case of active
constraints, the corresponding Lagrange multiplier must be positive. A point
at and two vectors 3 and X that satisfy all the above conditions are referred to
as the Kuhn-Tucker points. There are a total of (N + 3J 4+ K) Kuhn-Tucker
conditions. If there exists at least one set of 5 and X vectors, which satisfies
all K-T conditions, the point is said to be a K-T point.

2.4.3.4 Specialized Optimization Algorithms

There are several algorithms which are applicable for only a certain class of
optimization problems. Two commonly used such algorithms are integer pro-
gramming and geometric programming (GP). The GP technique is designed
to solve NLP problems which can only be expressed in posynomial form. Sev-
eral MOS transistor performances can be expressed in posynomial so that this
method is widely used in analog circuit sizing.

2.4.3.5 Nontraditional Stochastic Optimization Algorithms

There are two important limitations of the traditional deterministic technique.
First, it is often not possible to determine the gradient of the cost function.
Second, the optimization process in many cases is quickly trapped in a local
optimum of the cost function. Another problem is the rapid increase of the
execution time with the increase in the number of design variables and design
space. These techniques are used primarily for the fine tuning of sub-optimal
sizings. On the other hand, in nontraditional stochastic techniques, the algo-
rithm moves from one solution point to another with probabilistic transition
rules, and the design variables are varied randomly. The derivatives of the cost
function are not required. Greedy stochastic algorithms only accept a new set
of variables if it reduces the cost function value. The main advantage of the
stochastic methods over the deterministic ones is the capability to escape from
local optimum and hence a higher probability to reach a global optimum. Be-
cause of this, these algorithms are very popular to solve engineering design
problems. Examples include simulated annealing, genetic algorithms, particle
swarm optimization algorithms, ant colony optimization algorithms, etc.
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FIGURE 2.8
Strategy for global optimum search.

2.4.4 Concept of Local Optima and Global Optima

The majority of the optimization problems used in analog circuit CAD contain
an objective function consisting of a number of optima of which one (or more)
is the global optimum. Other optima have worse function values compared to
that of the global optima. Therefore, it is essential for the designers to identify
the global optimum point which corresponds to the best function value. For ex-
ample, the Himmelblau function: f(aq, az) = (23 + x5 — 11)2+(:C1 + 23— 7)2
consists of four minima, viz., (3,2)7, (—2.805,3.131)7, (=3.779, —3.283)T and
(3.584, —1.848)T. The global optimum cannot really be characterized as dif-
ferent from the local optimum. The standard Kuhn-Tucker conditions identify
the local optimum only. It is very difficult to identify the existence of a global
optimum point within a problem. The KT conditions lead the solution to be
trapped in any one of the local optima, depending on the location of the start-
ing point for the iterations. At present, only continuous convex problems are
guaranteed to have a global solution. If an optimization problem can be shown
to be convex, then the local minimum will also be the global minimum.

The strategy for a global optimum search is schematically illustrated in
Fig. 2.8. Let us suppose that the iteration starts from the point P. A search di-
rection to point Q is found through standard approach. If a local optimization
algorithm is used, the search direction leading to point R will be accepted and
any search direction toward point S will be rejected. But if point S is found
somehow, it could move on to T and then U and continue to the global opti-
mum. The central idea of finding the global minimum is therefore to encourage
solution points that are not trapped within the local minimum through con-
ventional optimality criterion. Therefore, it may happen that from point T,
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the search direction moves towards V. Therefore, it is observed that with this
strategy although it is possible to escape the local minimum trap, theoreti-
cally it takes a large amount of time to actually locate the global minimum
point. Therefore, sometimes a local search algorithm is used once point T is

located.

2.4.5 Characterization of Optimization Algorithms

The various optimization algorithms are characterized by four important met-

rics, which are discussed below:

1.

Convergence. An ordered set of real numbers aq,as,as,...,an is
called a sequence and is denoted by (a,). If the number of terms
in this set is unlimited, then the sequence is said to be an infinite
sequence and a,, is its general term. A sequence is said to tend to
a limit [, if for every € > 0, a value N of n can be found such that
|an, — | < € for n > N. If the sequence (a,) has a finite limit, it
is called a convergent sequence, otherwise it is said to be a diver-
gent [183]. The sequence (a,,) is said to be bounded, if there exists a
number k such that a,, < k for every n. The sequence (a,,) increases
steadily or decreases steadily according as a,+1 > Gn O apt1 < ayp,
for all values of n. Both increasing and decreasing sequences are
called monotonic sequences. Therefore, a sequence which is mono-
tonic and bounded is convergent [183]. In an optimization algorithm,
the set of dependent values evaluated through the objective function
forms a sequence. The convergence of an optimization algorithm is
assessed by observing the magnitude of the change over the last
few terms of the sequence. A commonly used criterion for stopping
the search process of an algorithm is when the difference between
the successive values of the function is sufficiently small. Another
useful criterion is to stop the search when the distance moved in
the parameter space during the last few iterations is less than the
location accuracy required.

Reliability. The reliability of an optimization technique is its ability
to find the global minimum and therefore to avoid local minima. The
reliability is characterized by percentage of success out of several
numbers (50 say) of run.

Accuracy. The accuracy is measured by the distance of a solution
point from the global minima and is thus characterized through
several error metrics like mean square error, etc.,. For error min-
imization algorithms, the stopping criterion is often expressed in
terms of the calculated error, when the error is less than a prede-
fined value, the algorithm stops. Since the exact global optimum
value is generally not known a priori, the accuracy is measured in
terms of the optimum achievable value averaged over several runs.
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4. Computation time. The total CPU computation time of an algo-
rithm is determined by the number of evaluations of the objective
function and the time taken for evaluating once the objective func-
tion. Since the latter is dependent upon the chosen problem, the
computation time of an optimization algorithm is characterized by
the number executing the objective function.

2.5 Some Important Optimization Algorithms

Some important optimization algorithms from the view point of CAD tech-
niques for analog ICs are described below. It may be noted that due to the
growing complexity of the design problem, the designer can no longer afford to
rely on a particular algorithm. Two algorithms, usually one global search al-
gorithm and another local search algorithm are often conjoined to implement
a design space exploration procedure.

2.5.1 Cauchy’s and Newton’s Steepest Descent Algorithm

The optimization algorithm is framed as a search algorithm. The gradient of a
function at a point is the direction of the most rapid increase in the value of the
function at that point. The descent direction is obtained by multiplying the
gradient by —1. Thus the search direction at any point is a' is 5t = —V f(a?).
The algorithm starts with an initial guess &® about the solution point. At each
iteration, the next minimum point from the current point is obtained through
a unidirectional search along s'. The minimum point becomes the current
point and the search is continued from that point. The algorithm continues
until a point having a small enough gradient vector is obtained. The algorithm
guarantees improvement in the function value at every iteration. The step-by-
step procedure is [42]:

1. Let M = maximum number of iterations to be performed, @ =
initial point, €1, €2 be the two termination parameters and set t = 0

Calculate V f(a')

3. If|[Vf(a')| < e1, Terminate;
Else if t > M; Terminate;
Else go to Step 4.

4. Next point is a1 = a* + d*.5". Do a unidirectional search to find
d* such that f(a®*Y) = f(a + d*.5") is minimum. Termination
criterion is |V f(a(**V).V f(a')] < €.

5. Check whether ”a(tﬁlﬁdt“ < €1 71f yes; Terminate;

Else set t =t + 1 and go to Step 2.
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The unidirectional search is performed through golden section search tech-
nique [42, 198]. It may be noted that Cauchy’s technique is well suited for the
case when @° is far away from the optimum point &*. When the current point
is very close to the optimum point, the change in gradient vector is very small.
Therefore, the next point will also be close to the current point. Therefore,
the algorithm is slowed down near the true minimum. The convergence can be
made faster by using a second derivative, which is done in Newton’s method.
The steepest descent is s' = — [V2f(6¢t)]71 Vf(a'). Newton’s technique is
identical to Cauchy’s steepest descent technique except that the next point is
calculated through the second derivative method. This technique is suitable
and efficient when the initial point is close to the optimum point. Combining
the advantage of each algorithm, Marquardt’s technique is formulated, where
Cauchy’s technique is initially followed and thereafter, Newton’s technique is
used. The transition from Cauchy’s technique to Newton’s technique is adap-
tive and depends on the history of the obtained intermediate solutions.

2.5.2 Genetic Algorithm

A Genetic Algorithm (GA) is a search based optimization method that draws
inspiration from the concept of natural selection and survival of the fittest in
the biological world [67]. GA falls into the wider category of search methods
known as the Evolutionary Algorithms (EAs). The GA starts with an initial
population whose elements are called chromosomes. A chromosome consists
of a fixed number of variables, which are called genes. In order to evaluate
and rank the chromosomes in a population, a fitness function based on the
objective function is defined. A set of three operators are specified to construct
the complete structure of a GA procedure. These are selection/reproduction,
crossover and mutation operators. The selection operator selects an inter-
mediate population from the current one in order to be used by the other
operators; crossover and mutation. In this selection process, the chromosomes
with higher fitness function values have a greater chance to be chosen than
those with lower fitness function values. The crossover operator defines how
the selected chromosomes (parents) are recombined to create new structures
(offspring) for possible inclusion in the population. Mutation is a random
modification of a randomly selected chromosome. Its function is to guarantee
the possibility of exploring the space of solutions for any initial population
and to permit the escape from a zone of local minimum. The GA operators;
selection, crossover and mutation have been extensively studied. Several im-
plementation techniques of these operators have been proposed to fit a wide
variety of problems. More details about the GA elements are discussed below
before stating a standard GA procedure.

1. Fitness Function: A fitness function F' is a designed function that
measures the goodness of a solution. It is designed in such a way
that better solutions have a higher fitness function value than worse
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solutions. The following fitness function is often used

1

F@) =17

(2.32)

where f(@) is the objective function. The fitness function plays a
major role in the selection process.

Coding: Coding in GA defines the forms in which chromosomes
and genes are expressed. There are mainly two types of coding;
binary and real. Binary GA requires the solutions to be coded as
finite-length binary strings of 1’s and 0’s. This is naturally suited
to combinatorial optimization problems with discrete search spaces.
In real-parameter GA, the solutions are represented as direct real
numbers. Binary GA presents a number of difficulties like Hamming
cliffs and inability to achieve any arbitrary precision when applied to
problems with continuous search spaces. To avoid these limitations,
the real-parameter GAs are developed.

Selection: Genetic Algorithm is modeled on Darwin’s evolution the-
ory of the survival of the fittest. Thus, in any generation of solutions,
the best ones survive with higher probability and create offspring.
There exists a number of selection operators for reproduction in the
GA literatures but, the essential idea in all of them is that solutions
are selected from the current population and their multiple copies
are inserted in the mating pool in a probabilistic manner. The var-
ious methods of selecting chromosomes from the pool of parent so-
lutions are: proportionate selection, tournament selection, and rank
selection etc. The proportionate selection is the most commonly
used selection method and is usually implemented with a roulette-
wheel simulation method. Every solution is assigned a fitness value
F;, and has a roulette-wheel slot sized in proportion to its fitness.
In order to create a new population, the roulette-wheel is spun n
times, each time selecting an instance of the solution chosen by the
roulette wheel pointer. Thus, the probability p; of selecting the "
solution is given by

F;

i =<
D RN

Crossover: A crossover operator aims to interchange the informa-
tion and genes between chromosomes. Therefore, crossover opera-
tors combine two or more parents to reproduce new children. One
of these children possibly collects all the good features that ex-
ist in his parents. A crossover operator is applied with probability
pe. The uniform crossover technique is a commonly used crossover
technique. Two arbitrary chromosomes (parents) are randomly se-
lected from the population and their genes are rearranged at several

(2.33)
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crossover points, which are determined randomly in order to gener-
ate two new chromosomes (children).

Mutation: The mutation operator is used with a low probability p,,
to alter the solutions locally to possibly create better solutions. The
need for mutation is to maintain a good diversity of the population.
Although this operator performs a random change in the solution
chosen for mutation, the low mutation probability ensures that the
process creates only a few such solutions in the search space and
the evolution does not become random.

Elite-Preserving Operator: In order to ensure that the statistics of
the population-best solutions do not degrade with generations, the
elite-preserving operator is often used in GAs. Typically, the best
a% of the population from the current population is directly copied
to the next generation. The rest of the new population is created
by the usual genetic operations applied on the entire current popu-
lation. Thus, the best solutions of the current population not only
get passed from one generation to another, but they also participate
with other members of the population in creating other population
members.

99

With this background on GA operators, a simple GA procedure utilizing these
operators is presented below, based upon [42].

1.

NS ok e

Select an appropriate coding scheme to represent the design vari-
ables, a selection operator, a crossover operator and a mutation
operator. Select a population size n, crossover probability p., and
mutation probability p,,. Initialize a random population of chromo-
somes of size [. Choose a maximum allowable generation number
tmaz- Set t = 0.

Evaluate each chromosome in the population.

If t > t,,4e Or other termination criteria is satisfied, Terminate.
Perform reproduction operation on the population.

Perform crossover operation on random pairs of chromosomes.
Perform mutation operation on every chromosome.

Evaluate chromosomes in the new population. Set ¢t = ¢+ 1 and go
to step 3.

The algorithm is straightforward with repeated application of the three op-
erators discussed earlier to a population of points. This algorithm is widely
used for the sizing of analog circuits [175, 40]
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2.5.3 Simulated Annealing

A simulated annealing (SA) procedure simulates an annealing process to
achieve the minimum function value in a minimization problem. The SA al-
gorithm successively generates a trial point in a neighborhood of the current
solution and determines whether or not the current solution is to be replaced
by the trial point based on a probability, depending on the difference between
their function values [42, 198]. Suppose at any instant the current point is a
and the function value is E(t) = f(a'). Using the Metropolis algorithm, the
probability of the next point a‘*' depends on the difference in the function
value at these points, i.e., on AE = E(t + 1) — E(t). This is given by the
following Boltzmann probability distribution

P(E(t +1)) = min[1, exp(~AE/kT)] (2.34)

If AE < 0, the probability is unity and the point is always accepted. There
is nothing special about it. But it is interesting to note that even if AE > 0,
according to Metropolis algorithm, there is some finite probability of selecting
the point &‘*!. This is in line with the search strategy discussed earlier for
global optima point. The probability of acceptance however, depends on the
relative magnitude of AFE and T values. If the value of T is large, which
generally is the case for the initial iterations, the probability of accepting
such points is high. On the other hand, for low value of T, the probability of
accepting such new points is low. The algorithm begins with an initial point
and a high temperature T'. The next point is created in the neighborhood of the
first and is accepted depending upon the difference of the function values and
the value of T'. This completes one iteration of the SA procedure. A number of
points is usually tested at a particular temperature before reducing the value
of T. The SA algorithm is stated as follows, based upon [42]:

1. Select an initial point &', a termination criteria €. Set T a sufficiently
large value, the number of iterations performed at a particular tem-
perature is n, and set t = 0.

2. Calculate a neighboring point @2. Generally, a random point in the
neighborhood is created.

3. fAE=E(a%*) — E(a') <0,sett=t+1;
Else create a random number r in the range (0,1). If r <
exp(—AE/T) set t =t +1;
Else go to step 2.

4. If |a* — 2'| < e and T is small, terminate
Else if (¢t mod n) = 0 then reduce T according to a cooling schedule.
Go to step 2;

5. Else go to step 2.

One of the most powerful features of SA is its ability to escape easily from be-
ing trapped in local minima by accepting up-hill moves through a probabilistic
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procedure, especially in the earlier stages of the search. On the other hand,
the main drawbacks that have been noticed on SA are its suffering from slow
convergence and its wandering around the optimal solution if high accuracy
is needed.

Some of the key analog CAD tools using SA as the optimization tool are
OPTIMAN [62], ASTRX/OBLX [137], ORCA [35], SD-Opt [128] and so on.
On the other hand, some of the key analog CAD tools using genetic algorithm
are ANTIGONE [127], Watson [174] etc.,.

2.6 Multi-Objective Optimization Method

In virtually every engineering problem a trade-off exists between two or more
competing objectives, i.e., improving one forces the other(s) to worsen. In
analog design optimization problems, multi-objective optimization problems
often need to be solved. This is because the analog performance parameters
are often tightly coupled and competitive in nature.

Traditional single-objective optimization algorithms provide only one so-
lution (sometimes a set of candidate solutions) to such problems which mini-
mizes/maximizes an overall objective function obtained by mixing individual
targets through appropriate weightage factors. The use of the single-objective
optimization technique for solving trade-off problems leads to inferior results
for several reasons.

e The results of such an optimization process are values of design variables
for which global cost function is minimized. However, no information is
available on how far this design point is from the optimal value for each of
the (possibly conflicting) individual objectives.

e With this technique, it is not possible to know the specific design variable
which is driving the optimizer toward the solution obtained.

e There is no formal procedure for the choice of individual weights through
which the individual cost functions are combined.

A multi-objective optimization problem is formally defined as follows [41]:

Minimize
subject to g;( 0, i=12..J;
he(@) =0, k=1,2,.,K; (2.35)

, 1=1,2,...,n.

A solution @ is a vector of n design variables: & = [a1, a, ..., ozn]T and f(a)
is a vector of objective functions.
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FIGURE 2.9
Tllustration of Pareto front for a sample 2D design space.

2.6.1 Pareto Optimal Front

For multi-objective optimization problems, it is not always possible to con-
clude that one solution is better than the other as it may be better in one
objective but worse in others. However, some cases arise where one solution
outperforms another in all given specifications. In such cases, that particular
solution is considered to dominate others. The set of solutions of a design that
is not dominated by any of the other solutions is called the Pareto optimal set,
which represents all the trade-offs involved in the design procedure. A solution
point &; € D is said to be Pareto optimal if and only if there does not exist
another point a; € D, such that f(a;) < f(a;) and fo(@;) < fi(q;) for at
least one function. Figure 2.9 illustrates an example of Pareto front in a 2D
optimization problem for the minimization of both cost functions. The anchor
points are the extreme optimal results of the specifications, while the other
points in the Pareto front are usually trade-offs between several specifications.
A and B are two specific points among other. Improvement in one objective f1,
i.e., fia < fip requires a degradation in the other fo4 > fop objective. The
concept of Pareto optimality is important to analog sizing process because it
usually attempts the minimization of several objectives simultaneously. The
Pareto optimal points are interesting to the designers because they charac-
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terize all optimum performance values achievable by a component block and
the trade-offs that are involved [179, 180, 181]. Therefore, with the knowledge
of the Pareto optimal front, the designers can select the whole set of equally
optimal candidate solutions.

The aim of a multi-objective optimization algorithm is to find samples of
the Pareto front with respect to the complete set of feasible design vectors. The
genetic algorithm is often used to solve multi-objective optimization problems.

2.7 Design Space Exploration

Design space exploration (DSE) refers to the task of discovering and evalu-
ating design alternatives during the design development process. This needs
to be carried out very carefully because of the sheer number of design alter-
natives to be explored. For sizing of complex circuits, the number of design
alternatives could be several thousands, which however, includes both feasible
and infeasible. A manual, ad-hoc approach to DSE is tedious, error-prone,
and does not scale. The three essential components of a DSE procedure are
(i) design space representation, (ii) design performance estimation and (iii)
exploration strategy.

The task of design space representation establishes the dimensions of the
design space, which usually contains multiple dimensions. A practical design
space is a bounded design space, which is defined by the design variable
bounds. The representation should be formal, so that it can be subject to
automated analysis and exploration techniques. In addition, the representa-
tion should be expressive enough to capture the various feasibility constraints.
Estimation techniques consist of quantitative measures used to assess the var-
ious candidate designs. The estimation techniques must also be able to tackle
the challenge of solving a large number of complex constraints at reasonable
computational costs. The exploration strategy is the approach of visiting dif-
ferent design alternatives within the design space. It may be noted that in
the parlance of design space exploration, a design is represented by a partic-
ular value for each design variable and the optimal design in terms of various
optimization criteria is the Pareto design.

2.8 Computational Complexity of a CAD Algorithm

An algorithm is a sequence of well-defined steps/instructions to be executed for
completing a task or solving a problem. A major criterion for a good algorithm
is its efficiency, which is measured by the amount of time and memory required
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to solve a particular problem. In real units, these are expressed in seconds and
megabytes. However, these depend on the computing power of the specific
machine and on the specific data set. In order to standardize the measurement
of the efficiency of an algorithm, the computational complexity theory was
developed. This theory allows one to estimate and express the efficiency of an
algorithm as a mathematical function of its input size [33, 81]. The input size
of an algorithm, in general refers to the number of items in the input data
size. For example, when sorting n words, the input size is n.

2.8.1 Time and Space Complexity

Computational complexity is divided into (i) time complexity and (ii) space
complexity. These estimate the time and memory requirements of an algo-
rithm respectively. The time complexity of an algorithm is loosely considered
to be the amount of computer time it needs to run to completion. The space
complexity of an algorithm is the amount of memory it needs to run to comple-
tion. The former is considered more important compared to the later, because
the memory requirements of the majority of algorithms is lower than the ca-
pacity of the current machines. Therefore, when the term complexity is used
alone, it unambiguously mean time complexity.

The time complexity of an algorithm is calculated on the basis of the
number of required elementary computational steps taken by the algorithm
to compute the function it was developed for. The number of steps are inter-
preted as a function of the input size. However, it may be noted that most
of the time, the total number of elementary computational steps varies from
input to input because of the presence of conditional statements such as an if-
else statement. Therefore, average-case complexity is considered to be a more
meaningful characterization of the algorithm. However, accurate determina-
tion of the average-case complexity of an algorithm is not an easy task, which
necessitates the use of the worst-case complexity metric. The worst-case com-
plexity of an algorithm is the complexity with respect to the worst possible
inputs, which gives an upper bound on the average-case complexity.

The running time of an algorithm increases with the size of the input. The
rate of growth or the order of growth of the running time of an algorithm is
the parameter that differentiates the efficiency between two algorithms. While
comparing the goodness of two algorithms, the algorithm for which the order
of growth is higher is considered to be inferior compared to the other. If the
computational complexity of an algorithm can be expressed as an equation in
terms of the input size n, then only the order of the dominating term needs
to be considered, because other lower order terms are relatively insignificant
for a large n. For example, if the complexity of any algorithm is expressed
as lgn — 1+ 3/n, then it can be simplified to only lgn leaving out the terms
—1 and 3/n. In addition, the constant coefficient of the dominating term can
also be neglected while computing the complexity. Under this criterion, the
complexities n and n/2 are virtually equal. In other words, they are said to
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Graphical illustrations of ©,0 and {2 notations.
TABLE 2.1
Worst Case Time Complexities of Frequently Used Functions
T Order Name n=100 n=10,000
O(1) Constant time 1E-5s 1E-5s
O(lgn) | Logarithmic time 0.000008s 0.000013s
O(n) Linear time 1E-3 s 0.01s
O(nlgn) 0.00065s 0.13s
O(n?) Quadratic time 0.01s 100s
O(n?) Cubic time 1s 278 hours
O(2") | Exponential time | 10'* centuries | 10%°”° centuries

have asymptotically equal complexity for larger n and are usually represented
with several asymptotic notations.

2.8.2 Asymptotic Notations

Asymptotic notations capture how the running time of an algorithm grows
with the size of the input. There are three types of asymptotic notations
that are commonly used in the computational complexity theory. These are
illustrated graphically in Fig. 2.10 and are discussed as follows.

2.8.2.1 Big-Oh Notation O()

It denotes the asymptotic upper bound of the complexity function. Let us
consider a complexity function f(n), and g(n) be the asymptotic upper bound
of f(n). We denote by O(g(n)) (pronounced ‘big-oh of g of n’) the set of
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functions [33]

O(g(n)) = {f(n): Jconstantsc > 0,n¢ > 0 s.t.
0< f(n) <cg(n)vn >ne} (2.36)

A non-negative function f(n) belongs to the set of functions O(g(n)) if there
exists positive constant ¢ that makes f(n) < cg(n) for a sufficiently large n.
It is appropriate to write f(n) € O(g(n)) because O(g(n)) is a set, but it is
conventionally written as f(n) = O(g(n)). This is to be carefully noted that
the equality sign denotes set memberships in all kinds of asymptotic notations.

Some examples: 3n + 2 = O(n) as 3n +2 < 4n,Vn > 2, 10n% +4n + 2 =
O(n?) as 10n? 4+ 4n+2 < 11n?%,Vn > 5. The statement f(n) = O(g(n)) states
only that g(n) is an upper bound on the value of f(n),Vn,n > ng. However,
it does not say anything about how good this bound is. Therefore, for this
statement to be informative, g(n) should be as small a function of n as is
possible for which f(n) = O(g(n)).

Table 2.1 [86] shows the most frequently used O-notations, their names and
the comparisons of actual running times with different values of n. The actual
running time on a million instructions per second machine is reported. The
constant time complexity is designated as O(1). It signifies that the running
time of the algorithm is independent of the input size and is the most efficient.
The other O notations are listed in their rank order of efficiency. If the time
complexity of an algorithm can be expressed with or is asymptotically bounded
by a polynomial function, it has polynomial time complexity. Otherwise, it has
exponential time complexity.

2.8.2.2 Omega Notation ()

Just as O-notation provides an asymptotic upper bound on a function, Q-
notation provides an asymptotic lower bound. Let us consider a complexity
function f(n), and g(n) as the asymptotic lower bound of f(n). We denote by
Q(g(n)) (pronounced ‘big-omega of g of n’) the set of functions [33]

Qg(n)) = {f(n):Iconstantsc > 0,n¢ > 0 s.t.
0<cg(n) < f(n)¥n >ng} (2.37)

Some examples: 3n +2 = Q(n) as3n+2>3nforn>1, 10n? +4n +2 =
Q(n?) as 10n? +4n +2 > n?,vn > 1.

2.8.2.3 Theta Notation O()

O() gives an asymptotic tight bound on a function, g(n) is an asymptotically
tight bound for f(n). We denoted by ©(g(n)) (pronounced ‘big-theta of g of
n’) the set of functions

©(g(n)) = {f(n):Iconstantsc; > 0,c2 > 0,n9 > 0 s.t.
0 <c1g(n) < f(n) < cag(n)vn > ng} (2.38)
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The theta notation is more precise than both the big oh and omega notations.
The function f(n) = O(g(n)) iff g(n) is both an upper bound and lower bound
on f(n). However, O-notation is favored over ©-notation for the following
two reasons: (i) upper bounds are considered sufficient for characterizing the
complexity of an algorithm and (ii) it is often much more difficult to prove a
tight bound that it is to prove an upper bound.

2.8.3 Categorization of CAD Problems

The problems that are faced within a CAD technique are categorized into
two groups according to the forms of their answers: decision problems and
optimization problems. The answers to decision problems are either yes or
no (or more formally 1 or 0). On the other hand, an optimization problem
seeks an optimized value of a target variable. The feasibility checking problem
for design variables, for example, is a decision problem, because the answer
could only be whether the variables are feasible or not. On the other hand,
finding the transistor dimensions of a topology for which certain performance
is minimum is an optimization problem. An optimization problem is “hard”
and the decision problem is in a sense “easier” or at least “no harder.”

2.8.4 Complexity Classes for CAD Problems

Many of the CAD algorithms are polynomial time algorithms on inputs of size
n, for which the worst case complexity is O(n*) for some constant k. However,
all CAD problems cannot be solved in polynomial time. Several CAD problems
are NP complete problems, for which no polynomial-time algorithm has yet
been discovered, nor has anyone yet been able to prove that no polynomial-
time algorithm can exist for any one of them. There are three classes of CAD
problems: P, NP and NPC, the latter class being the NP-complete problems.
An informal definition is provided here [33].

The class P consists of those problems that are solvable in polynomial time.
The worst-case complexity of an algorithm meant for solving this problem is
O(nF) for an input of size n. The class NP consists of those problems that
are “verifiable” in polynomial time. This means that if somehow a candidate
solution is provided, it can be verified for correctness in polynomial time. NP
problems can be solved in polynomial time on a nondeterministic computer.
A problem in P is also in NP, since if the problem can be solved in polynomial
time, then it can definitely be verified. Therefore, it can be written that P C
NP. The open question is whether or not P is a proper subset of NP. A
problem P71 belongs to the class NPC, if it is an NP problem, i.e., can be solved
in polynomial time on a nondeterministic computer and a problem already
known to the NP complete is polynomially reducible to P1. The relationships
among P, NP and NPC is shown in Fig. 2.11. Both P and NPC are wholly
contained with NP and PN NPC = ().
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FIGURE 2.11

Relationships among P, NP, and NPC.

2.9 Technology-Aware Computer Aided IC Design
Technique

Design challenges related to manufacturability and yield of integrated circuits
are forcing the IC designers and EDA tool developers to understand the IC
manufacturing. In particular, process and device related information needs to
be incorporated into the IC design technique, in order to make the designs cor-
rect at the first attempt, and robust. The increasing gap between the feature
size of the transistor and the wavelength of light used for the lithography tech-
nique leads to device-to-device variation of the transistor performances. The
random fluctuations in the number of dopant atoms in the channel region of a
MOS transistor critically affects the transistor performances. Circuit simula-
tion tools presently lack the capability to predict the effect of several reliabil-
ity stress effects, such as gate insulator time-dependent dielectric breakdown
(TDDB), hot carrier injection (HCI), negative bias temperature instability
(NBTI), and junction breakdown as a function of device terminal voltages.
Therefore, for sub-90nm process technologies, designers need to include de-
vice/process technology aware simulation tools in the design procedure. The
major problem of incorporating these into the design technique is the lack of
proper models. Ideally such models need to be developed from actual silicon
data through proper characterization. The alternative approach is to include
technology computer-aided design (TCAD) techniques into the mainstream
IC design technique. Since overall circuit performances are greatly affected
by the increased effects of semiconductor process technology at the 65 nm
node and below, TCAD can help IC designers to optimize performances and
yield around the expected process variability. This offers significant savings in
time and money to semiconductor vendors. TCAD simulations, which comple-
ment experimental silicon, provide a more comprehensive way to character-
ize technologies and optimize their performance, thereby reducing the num-
ber of re-spins and delivering high-quality products sooner. According to the



High-Level Modeling and Design Techniques 69

International Technology Roadmap for Semiconductors, product development
costs can be reduced as much as 40 percent by using TCAD.

2.9.1 Introduction to TCAD

TCAD is an electronic design automation technique that models IC fabrication
and device operation. TCAD is the art of abstracting IC electrical behavior
by critical analysis and detailed understanding of process, device, and circuit
simulation data. Utilizing TCAD technique it is possible to model and simulate
all the steps involved from circuit simulation to device/circuit fabrication[162,
56]. The various modeling and simulation procedures that can be carried out
through TCAD tools are described below:

1. Lithography modeling. Imaging of the mask through lithography ma-
chines, study of photoresist characteristics and processing.

2. Frontend process modeling. Simulation of the physical effects of var-
ious fabrication steps up to metallization.

3. Compact device modeling and interconnect modeling. TCAD allows
to develop compact device models for the various active and passive
components of the circuit, in addition to modeling of interconnects.
These models are closely related to actual silicon results and there-
fore are very much accurate in predicting the various second order
effects on circuit performances, which are becoming very significant
in nano-scale domain. No other technique except TCAD can provide
faithful results for these.

4. Reliability Modeling. Simulation of the reliability and related effects
on process, device, and circuit level performances of integrated cir-
cuits.

5. FEquipment Modeling. Simulation of the local influence of the equip-
ment on each point of the wafer, especially in deposition, etc., etch-
ing, and chemical-mechanical polishing (CMP) processes.

6. Modeling for design robustness, manufacturing and yield. TCAD
offers provision for accurate modeling and simulation of the impact
of process variability and dopant fluctuation on IC performance and
determines design specifications for manufacturability and yield of
ICs.

7. Package and Materials Modeling. 1t is possible to model and sim-
ulate the various electrical, mechanical, and thermal effects of chip
packages. The effects of the use of various materials on the physical
and electrical properties of devices and integrated circuits can also
be modeled and simulated.

The two major components of TCAD are: process simulation and device sim-
ulation. These are discussed below.
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2.9.2 Process Simulation through TCAD

Process simulation refers to numerical simulation of the physical effects of
IC fabrication steps up to metallization. The IC fabrication processing steps
which can be simulated through process CAD are ion implantation, diffu-
sion, oxidation, physical etching and deposition, lithography, stress formation
and silicidation. The process CAD tool generates input data files for device
simulator as realistically as possible based on microscopic information. The
various inputs and outputs of a process simulation procedure are shown in
Fig. 2.12. For MOSFET devices, threshold voltage and other device parame-
ters are directly related to the distribution of the channel doping profile within
the device structure. An accurate description of a channel doping profile can
be generated using process simulation. Therefore, process simulation is critical
to reproduce the doping distributions within the structure for accurate device
simulation and compact model parameter extraction for circuit analysis.

Device structure with
oxide, epitaxy,
Structure: Mask gate, doping profiles,
Process steps: Implant: species, junctions etc
dose, energy Inputs Process CAD tool Outputs
Diffusion/oxidation: Temperature, > »
time, rate, pressure, oxidation source Process Simulation
etc
FIGURE 2.12

Inputs—outputs of a process simulation procedure.

2.9.3 Device Simulation through TCAD

Device simulation refers to numerical simulation of IC device operation. The
motivation for the use of device simulation in IC design technique is the op-
timization of device performances for specific applications. For generation of
an accurate device-level compact model like BSIM, device simulation is a nec-
essary step. The device models used by device CAD tools range from the
simple drift diffusion, which solves Poisson and continuity equations, to more
complex and computationally challenging models such as the energy balance,
which solves some higher moment simplification of the Boltzmann Transport
Equation (BTE). Therefore, the ability of device CAD to accurately model
today’s device performance and predict tomorrow’s device limitations is of
utmost importance. The various inputs and outputs of a device simulation
procedure are shown in Fig. 2.13
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Structure: Gate, oxide, substrate, .
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junction depth > >
Device Simulation IV and C/V Char,
transient
FIGURE 2.13

Inputs—outputs of a device simulation procedure.

2.9.4 Design for Manufacturability and Yield

With the transfer of a circuit layout to the fabrication process, a whole new set
of challenges arises. With shrinking feature dimensions, parametric variability
has become a dominant yield loss component. Parametric sensitivity to pro-
cess variability is expected to worsen at 65 nm and below. Design engineers
till today rely on two key pieces of information for designing chips: design
rules and SPICE models. The design rules define the spacing between edges
of polygons in the same mask layer or between mask layers such as poly line
spacing or metal overlaps of contacts. These rules are set by lithography limits
including feature resolution and layer alignment or by electrical limits such
as leakage or breakdown of the electrically-active layers in the devices. The
SPICE models on the other hand, predict the current or charge between the
device terminals as a function of the applied voltage between the terminals.
The SPICE models thus encapsulate the internal physics of the MOS transis-
tors. Both the design rules and SPICE models are simplified representation of
the process and device characteristics intended for transferring only as much
manufacturing information to the design tools as is needed. With the scaling
of process technology to nano-scale regime, some of the simplifying assump-
tions regarding the process and device characteristics are no longer valid and
more exact physics of lithography /process effects and device effects have to be
incorporated in the design technique. Thus the design for manufacturability
and yield (DFMY) refers to the design and verification technique employed
to ensure that the production silicon meets the performance objectives of the
original circuit design. This therefore, reduces the design creativity gap.
SPICE models with various corner cases are traditionally the only link be-
tween manufacturing and design. The standard practice of studying the effects
of process variations on circuit performances is to impose somewhat artificial
statistical or systematic distributions on the SPICE model parameters. There
are several limitations to this practice in the context of nano-scale CMOS
technology. First, the SPICE model parameters in several cases deviate far
from their underlying physics, as they often end up fitting parameters to sili-
con data. Second, the majority of the device characteristics such as threshold
voltage and sub-threshold leakage current are correlated. Variations in major
manufacturing steps such as halo implant and annealing temperature cause
global changes in device properties. Such correlations are often are not taken
care of in the SPICE models. Finally, except for very few, the SPICE param-
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eters cannot be directly linked to any one specific process parameter. In other
words, there is no common platform to communicate between manufacturing
and design. However, successful DFMY requires that manufacturing infor-
mation be accessible to design. By combining calibrated TCAD simulation
results with compact model development procedure, it is possible to develop
self-consistent process-dependent compact SPICE models, with process pa-
rameter variations as explicit variables. Such models then can be included in
any circuit simulation procedure to evaluate the effects of process and device
parameters on circuit performances. This is illustrated with a block diagram
as shown in Fig.2.14. TCAD simulations of process, device and interconnect
are used to create models, for which the device parameters and interconnect
design variables are considered as inputs. The constructed models can be
included in IC design tools such as static timing analyzer and circuit opti-
mization procedure. In addition, layout related effects such as stress and well
proximity effects can also be included for performance optimization.

Transistor Manufacturin Interconnect
(front end) 9 (back end)
Device I~~~ 7 _v _____________________ ,, _____ } Interconnect
parameters | Interconnect | parameters
—:—P Device simulation TCAD simulation 1—:—
I |
e S R ]
\ 4 A
Process compact Process distributions RC models
model
A4
Performance evaluation

A 4

Py <
J" Optimization (IC Design module)

Layout effects

A 4

Optimized & robust
circuit

FIGURE 2.14
Outline of TCAD simulation-based DFMY technique.
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FIGURE 2.15
Process compact model generation using TCAD.

2.9.5 Process Compact Model Development through TCAD

A process compact model captures the functional relationship between the
space of process variables and device characteristics through a response surface
model. For, example, for the case of threshold voltage and low field mobility
of a transistor, this can be written as

VTHO = f1 (toz, Chdose, Hadose, SpikeT) (239)
U0 = f2 (tom Chgose, Hagose, SpikeT) (240)

The process compact models (PCMs) are used by the design engineers for
high-level design to ensure that the fabricated design meets the performance
objectives of the original circuit design.

The technique for developing PCM is illustrated in Fig. 2.15. The user
input is a description of the steps of the actual fabrication procedure. The
process simulation generates a set of data with the structural information like
device geometry, doping distribution, and so on. The output of the process
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simulation procedure is fed to the device simulation procedure, which gener-
ates the I-V and C-V characteristics data set. The TCAD tools are calibrated
with actual silicon results prior to these. The simulated characteristics are
fed to a regression model development procedure. The model development
procedure also considers a set of parameterized template consisting of the
process parameters. The unknown parameter values are determined through
a parameter extraction procedure.

2.9.5.1 Parameter Extraction Technique

Parameter extraction technique is an important step of compact model devel-
opment procedure. The basic idea of parameter extraction technique is to find
out the values of the unknown parameters of a parameterized model template
such that the errors between the model generated results and available exper-
imental/TCAD simulation data are minimized. Several different techniques
are available; however, the appropriate technique depends on the model and
on the applications of the model.

Both global optimization and local optimization techniques can be used for
parameter extraction. Through global optimization technique it is possible to
extract parameters such that the model generated results fit the experimental
data in all the operating regions. However, in many cases, the extracted values
are far from the actual physical values. On the other hand, in local optimiza-
tion each parameter is extracted in a certain optimization region where the
device behavior is dominant. Thus parameters optimized locally may not per-
fectly fit the experimental data in all the operating regions, but they closely
resemble their actual physical value.

Also, there are two different strategies for model parameter extraction: the
single device extraction strategy and the group extraction strategy. In the sin-
gle device extraction strategy, experimental data from a single device are used
to extract the model parameter. This strategy fits one device well, but usually
does not fit other devices with different geometries. On the other hand, in the
group device extraction strategy, parameters are extracted from experimental
data of multiple devices having different geometries. This strategy, therefore,
may not fit one device extremely well, but can fit many devices with different
geometries reasonably well.

A simple parameter extraction technique which is used widely and even in
BSIM parameter extraction procedure is to combine Newton-Raphson itera-
tion and a linear-least square fit with either one, two or three variables. The
model equation is arranged in a form suitable for Newton-Raphson’s iteration
as shown below

% 4 i a¢1nodel i a¢1nodel i
¢ewp(a17 a2, 043) - ¢model(a17 Aoy, ag) 780[1 Aa1 + T%AaQ
8Qzl)nlodel 1
—— A 2.41
+ aa3 as ( )

where @modei() is the parameterized model template, the values of whose
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unknown coefficients ay,az, a3 are to be determined, af,ab, o} represent
the parameter values after i'" iteration. (2.41) can be written in a fashion
y = a+ bxy + cxo by dividing (2.41) by Opmoder/Oc1. Here y,b and ¢ are
known, through fitting technique, a,z; and xo are determined. It may be
noted if it is not possible to calculate the derivatives analytically, then these
need to be calculated numerically, e.g., through the central difference tech-
nique. The parameter values for the (i + 1) iteration are given by

it =al 4+ Aad” m=1,2,3 (2.42)

m

The iteration continues until the increments are smaller than some pre-
determined values. The flow chart of the optimization technique for parameter
extraction is shown in Fig.2.16.

2.9.6 Design Techniques for Nano-Scale Analog ICs

The existing design techniques in general do not provide any platform for
interaction between the IC designers and TCAD designers. This leads to the
causes of several design failures at the first attempt and thereby increases
the design creativity gap. With the increased complexity of nano-scale analog
ICs, the high-level design procedure for nano-scale ICs needs to incorporate
the exact device and process related knowledge within the design flow. This
necessitates a paradigm shift in the design technique. TCAD flow has to be
integrated with IC design flow. This is illustrated through the flow diagram
shown in Fig. 2.17. Process compact models form the bridge between the two
flows. Knowledge-based CAD technique, which has been discussed in depth
in the Chapter 1 has to be calibrated with TCAD results (which in turn
are assumed to be calibrated with characterized silicon results) and make a
compact technology aware CAD framework for high-level design of nano-scale
analog ICs.

2.10 Commercial Design Tools

This section provides a brief introduction to some of the important commercial
CAD/EDA tools available for analog IC design and TCAD purpose. The read-
ers are suggested to carefully browse the websites of the individual vendors
for more detailed and updated information.

2.10.1 IC Design

The generic flow of the traditional IC design procedure is shown in Fig.2.18.
The procedure starts with a set of specifications. The schematics of the
transistor-based circuit topology are drawn via a schematic editor. The circuit
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Design technique for nano-scale analog ICs.

is then simulated through some SPICE package. This is referred to as the pre-
layout simulation. The design tasks carried up to this stage is are collectively
known as the front-end design.

Subsequently the layout of the circuit is drawn and verified for any design
rule violations. This is referred to as the design rule check (DRC) action. The
various parasitics involved with the interconnects are extracted through a
RC extraction tool. A SPICE-compatible netlist is extracted from the layout.
The layout is subsequently verified with the netlist. This is referred to as the
Layout versus Schematic (LVS) comparison. The extracted netlist is simulated
with the SPICE tool. This is referred to as the post-layout simulation. With
the satisfaction of the desired specifications, the circuit is ready for tape-out.
The design tasks performed for physical design and verification are collectively
known as the back-end design.

The generic flow shown in Fig.2.18 is followed by almost all the EDA tools.
The commonly used EDA tool suites used for custom analog IC design are
from the vendors like Cadence®, Synopsys®, Mentor Graphics® and Tanner
EDA®. The tool suite available from these vendors are mentioned below.

2.10.1.1 Cadence® Virtuoso Analog Design Environment

Cadence Virtuoso Analog Design Environment allows different applications
and tools to integrate into a single framework thus allowing all the stages of
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General design flow for custom analog ICs.
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IC design and verification to be performed from a single environment. The
basic flow is similar to that shown in Fig.2.18. Starting from architectural de-
scription using hardware description languages to final structural schematic
implementations at the transistor level, the Virtuoso Schematic Editor family
helps the designers to implement each stage in their designs, while captur-
ing and ensuring consistency of design intent with constraints. The Virtuoso
Schematic Editor product family is integrated with the Virtuoso Analog De-
sign Environment.

Virtuoso Spectre®  Circuit Simulator provides a high-precision SPICE
simulation of pre- and post-layout analog/RF designs with a comprehensive
set of analyses for faster convergence. This simulator is also integrated with the
Analog Design Environment. The simulator uses silicon-accurate device mod-
els that are universally supported by all foundry process design kits (PDKs).

Once the circuit specifications are fulfilled in simulation, the circuit layout
is created using the Virtuoso Layout Editor. Virtuoso layout suite supports
custom analog, digital, RF, and mixed-signal designs at the device, cell, block,
and chip level. Virtuoso Layout Suite L enables users to open multiple cells
or blocks in a single editing session, or to open different views of the same
design, ensuring consistency in complex designs.

For the purpose of DRC and LVS, the Assura® Physical Verification tool
is used. Assura® Physical Verification uses hierarchical processing and multi-
processor techniques to increase performance and capacity.

Finally, a netlist including all layout parasitics is extracted, and a final
simulation of this netlist is made. This is called a PostLayout simulation, and
is performed with the same Cadence simulation tools. The parasitics may be
extracted through QRC Extraction. Once the layout functionality is verified,
the final layout is converted to a certain standard file format depending on
the foundry (GDSII, CIF, etc.,) using the Cadence conversion tools.

2.10.1.2 Synopsys Galaxy Custom Design

The tool used for schematic entry is the Galaxy Custom Designer SE. As with
all custom designer tools, the schematic editing tasks are accomplished with
few clicks and quick menu access. HSPICE® and NanoSim® are the two sim-
ulation packages available from Synopsy® for circuit simulation. HSPICE®
offers foundry-certified MOS device models with state-of-the-art simulation
and analysis algorithms and is therefore used by many designers for accu-
rate circuit simulation. NanoSim is an advanced circuit simulator for analog,
high performance digital and mixed-signal circuit simulation. It provides a
combination of timing and power diagnostic function needed to efficiently an-
alyze today’s nanometer IC design. Galaxy custom designer LE is the layout
entry and editing tool offered by Synopsys®. Since this tool is integrated
with the full Custom Designer system, it provides transistor-level layout and
editing capabilities in a unified platform. Galaxy custom designer schematic-
driven layout (SDL) offers the advantage of drawing layouts directly from the
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FIGURE 2.19
IC design flow using Tanner EDA tool suite.

schematics. This therefore, considerably boost the designers productivity and
layout throughput. However, the resultant layout no doubt needs consider-
able attention of the designers for fine tuning. Intelligent layout automation
in Custom Designer LE results in DRC and LVS correct cell and macro lay-
outs. Star-RCXT® is the tool used for parasitic extraction. PrimeRail® is a
full-chip power network analysis solution for low power and high-performance
designs at 90-nm and below. It offers gate-level and transistor level static and
dynamic voltage drop and eletromigration analysis during implementation and
sign-off.

2.10.1.3 Tanner EDA HiPer Silicon®

HiPer Silicon gives the designer a complete analog design flow from schematic
capture, circuit simulation and waveform probing to physical layout and veri-
fication, which is ideal for analog, mixed-signal and high frequency IC design.
The tool used for schematic capture is the S-Edit®. This tool is tightly inte-
grated with SPICE simulation and therefore allows the designers the flexibil-
ity to view the operating point results directly on the schematic and perform
waveform cross-probing to view node voltages and device terminal currents or
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charges. This tool allows for checking of common errors such as undriven nets,
unconnected pins and nets driven by multiple outputs so that errors can be
caught early before running simulation. T-SPICE® is the simulation package
offered by Tanner. T-SPICE offers HSPICE® and PSPICE® compatible syn-
tax and supports the latest industry models such as PSP, BSIM4.4 etc.,. It
also supports Verilog-A for analog behavioral modeling. L-Edit® is the hierar-
chical physical layout editor offered by Tanner. L-Edit supports parameterized
cells allowing the designers to create automatic custom layout generators or
use DevGen to easily setup layout generators for commonly used devices such
as MOS transistors, resistors or capacitors. The tool supports interactive DRC
checking. Schematic drive layout facility is also supported by Tanner and is
integrated with the L-Edit layout editor. For physical verification and para-
sitic extraction, the tool offered by Tanner is the HiPer Verify® and PX®.
HiPer Verify® is a comprehensive solution for analog/mixed signal IC de-
sign rule checking and netlist extraction. On the other HiPer PX® is a high
performance parasitic extraction tool that is integrated with Tanner’s L-Edit
layout editor for easy and rapid extraction of parasitics. The custom design
flow using the Tanner tool suite is shown in Fig. 2.19.

2.10.1.4 Mentor Graphics Pyxis® Suite

The analog/custom IC design flow using the Mentor Graphics tool suite is
shown in Fig. 2.20. The IC Nanometer Design package provides a complete
environment for the design, capture, layout and verification of analog, digi-
tal and mixed-signal integrated circuits. The Pyxis suite of IC design tools
includes tools for

e Schematic capture, netlisting, simulation setup and results viewing
e Physical layout
e Editing, schematic-driven layout, and top-level floorplanning and routing

Eldo® and Eldo RF are the SPICE simulation packages offered by Mentor
Graphics for simulation purpose. The Calibre® and Calibre xRC are the tools
for physical verification and parasitic extraction.

2.10.2 TCAD
The two major vendors offering TCAD tool suite are Silvaco® and Synopsys®.

2.10.2.1 Silvaco Tool Suite

The journey of the modern commercial TCAD tools started with the develop-
ment of two famous general-purpose simulation software programs. SUPREM
(Stanford University Process Engineering Models) and PISCES (Poisson and
Continuity Equation Solver) came as an outgrowth of the research done
at Stanford University. SUPREMS3 is a one-dimensional process simulator,
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FIGURE 2.20
IC design flow using mentor graphics EDA tool suite.

while SUPREM4 is a two-dimensional process simulator. PISCES is the two-
dimensional device simulator. ATHENA® and ATLAS® are the commer-
cial equivalent alternatives of these programs, as Silvaco later licensed these
programs from Stanford University. The Athena framework supports some
tools like S-SUPREMA4® (2D process simulator), ELITE® (physical etching
and deposition simulator, OPTILITH® (2D optical lithography simulator),
MC DEPOSIT/Etch (2D Monte Carlo deposition and etch simulator), MC
Implant (Advanced Monte Carlo Implantation Simulator) S-SUPREM3 (1D
process simulator). The ATLAS® framework supports S-PISCES (2D device
simulator), Device 3D (3D device simulator), BLAZE 2D (2D device simula-
tors for advanced materials), Mixed Mode (2D circuit simulator for advanced
devices), Quantum 2D (simulation models for quantum confinement effects,
MC Device 2D (Monte Carlo device simulator), NOISE 2D (2D small signal
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Device simulation tools offered by Synopsys TCAD suite.

noise simulator). In addition, there are tools for device schematic diagrams
and waveform viewing. These are DevEdit 2d and DevEdit 3D for structure
drawing and Tonyplot for waveform viewing.

There are several other tools like SPAYN for statistical parameters analysis
and UTMOST-IIT and UTMOST-IV for model parameter extraction including
that of BSIM.

2.10.2.2 Synopsys Device Simulation Tool Suite

Synopsys TCAD offers a comprehensive suite of products that includes in-
dustry leading process and device simulation tools, as well as a powerful
GUI-driven simulation environment for managing the simulation tasks and
analyzing the simulation results. For device simulation purposes the input de-
vice structure typically comes from process simulation steps using tools like
Sentaurus Process or Taurus TSUPREM-4. Some important tools required for
device simulation purposes are listed below (see Fig. 2.21).

1. Sentaurus Structure Editor (SSE): This tool is used for device struc-
ture creation. The structures are generated or edited interactively
using the graphical user interface (GUT). In addition, it can be used
for a 3D process emulator based on CAD technology.

2. Mesh: This engine helps to mesh the structure created with SSE.
The tool produces finite-element meshes for use in semiconductor
device simulation.

3. Sentaurus Device: This tool is used to simulate the electrical char-
acteristics of the device.

4. Tecplot SV: This tool has extensive 2D and 3D capabilities and is
used for scientific visualization and plotting of simulated data.

5. Inspect: The electrical characteristics are plotted with the help of
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this tool. It is basically a curve display and analysis program. The
curves are specified at discrete points.

2.11 Summary and Conclusion

This chapter introduced the two important components of the knowledge-
based CAD technique-(i) high-level models and (ii) optimization techniques.
A comprehensive overview of the three important techniques, namely manual
abstraction technique, model order reduction technique and symbolic analy-
sis technique for construction of behavioral models has been provided. The
optimization procedures required for analog CAD design including problem
formulation and optimality criteria have been described. The concepts of local
optima and global optima have been introduced. The computational complex-
ity of algorithms including asymptotic notations and complexity classes have
been described. This chapter also introduces the technology computer-aided
design. Thereafter, it has been suggested that a combination of the TCAD
and knowledge-based CAD procedures is essential to cope with the recent
challenges of the nano-scale analog IC design. Finally, a brief description of
the commercial CAD/EDA tools has been presented.
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Modeling of Scaled MOS 'Transistor for VLSI
Circuit Simulation

3.1 Introduction

The modern very large scale integrated (VLSI) circuits consist of several bil-
lions of transistors with the MOS transistor forming the basic building block.
The successful design of a complete circuit requires extensive circuit simu-
lation where an accurate and faithful mathematical description of the MOS
transistor, referred to as a compact device model is an essential prerequisite.
The device models act as the link between the physical world (technology,
manufacturing, ....) and the design world (circuit simulation, timing analysis)
of the semiconductor industry [1]. The models are incorporated within the
SPICE simulator for circuit simulation purposes. In the conventional design
practice, the circuit designers remain unaware of the details of the compact
device models and rely completely on the SPICE simulator. Consequently, for
most of the design failures they do not have any option other than to blame
the models. However, in the present scenario of tremendous market pressure
and complex nano-scale process technology, the IC designers cannot afford to
remain unaware of compact models. They need to know the fundamentals of
the characteristic properties of scaled MOS transistors and basic issues related
to the modeling of the same. This will equip them in anticipating several pos-
sible design failures after fabrication of the designs. This chapter attempts to
present the essential features of compact device models for the scaled MOS
transistor at an introductory level. The compact model developed by the Uni-
versity of Berkeley, which is coined as the BSIM model, has been considered
while pointing out the commercial use of the various modeling aspects. It
may be noted that this chapter is in no way a replacement for the official
documentation for the BSIM compact model.
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3.2 Device Modeling

The use of device models in the VLSI simulation process is illustrated in Fig.
3.1. It is observed that the VLSI circuit simulation process essentially consists
of simulation of the circuit netlist through a SPICE simulation engine utilizing
a set of device models. Various kinds of device models corresponding to all
possible electrical devices are available to the SPICE simulator. These are
invoked when required during the simulation procedure. The accuracy of the
circuit simulation results depends on the accuracy of the device models that

Desired
Specifications

A

Circuit Netlist

A

A

Circuit Simulation Process

Device Models Numerical Algorithms
(SPICE Simulation Engine) Not OK

Design Verification

OK

v

Designed Circuit

FIGURE 3.1
Use of device models in VLSI circuit simulation.
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are being used by the SPICE simulator, since the numerical algorithms used
by the engine are fairly mature.

3.2.1 Categories of Device Models

There are three categories of device models: (i) numerical models, (ii) table
lookup models, and (iii) analytical (or compact) models. The numerical mod-
els are based upon numerical solutions of carrier transport equations, device
geometry and doping profile related equations. This provides very accurate
estimation of the device characteristics. However, these are computationally
intensive and hence are not suitable for simulation of large circuits. The tech-
nology computer-aided design (TCAD) simulation of device characteristics
belongs to this type of modeling. This may be used for exploration of novel
device structures, conventional devices with new materials and associated per-
formances. The look-up table approach, on the other hand, uses measured
device current and capacitances (and in some cases small signal parameters)
as functions of bias voltages and device sizes for characterizing the device
performances which are subsequently used for circuit simulation. The look-up
table approach is especially useful when good physical models are not avail-
able, e.g., for advanced device structures such as double gate MOS transistors,
FinFETSs, channel engineered structures etc. In addition, sometimes this ap-
proach is used for fast circuit simulation. The third category is the analytical
or compact model. These are based on device physics. The compact device
models for MOS transistor is one of the subjects of discussion in the present
chapter and is introduced in the next section.

3.3 Compact Models

A compact MOSFET model is a set of mathematical equations whose param-
eters are used as inputs to a SPICE-like circuit simulator [1]. The compact
model is expected to able to reproduce faithfully the transistor characteristics
for various dimensions, range of temperature and process variations. In ad-
dition, the description must be valid under a variety of operating conditions.
The compact model equations are often functions of transistor dimensions
and thus are scalable. However, these are often long and complex, in order
to describe the device characteristics accurately in all the operating regimes.
Fitting parameters are introduced in many occasions to improve the accuracy
of the model. The commercial circuit simulators use compact device models
for circuit simulation purposes.
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3.3.1 Commercial Compact Models

The commercial compact models are classified into three categories: (i) thresh-
old voltage Vr based models, (ii) Inversion charge @,, based models and (iii)
surface potential s based models.

The journey of the Vr based models start with the MOS1 model which is
a very simple MOSFET model, suitable for long-channel and uniformly doped
MOS transistors. Because of its simplicity this model is still used by the cir-
cuit designers for hand calculations and preliminary circuit simulation. MOS2
and MOS3 models are based upon the MOS1 model with the introduction of
many empirical parameters to account for the short-channel effects. However,
these models fail to incorporate the exact physics of the scaled MOS tran-
sistor within the model framework. BSIM1 (Berkeley Short-Channel IGFET
Model 1) and subsequently BSIM2 were developed for 1um technology. These
models incorporated some improved physics of the scaled MOS transistors.
However, these also used several empirical parameters for each short-channel
phenomenon in order to match with experimental silicon results with rea-
sonable accuracy. One set of parameters cannot be used for a wide range of
device dimensions. Statistical modeling could not be performed with these
models. BSIM3, which is the third generation BSIM model, brought a major
breakthrough in compact models. It was developed from a coherent quasi-two-
dimensional analysis of a MOS transistor; both computational robustness and
physical basis form the guiding philosophy of the development of BSIM3 [30].
The minimum channel length of the MOS transistor which can be supported
through BSIM3v3 is 0.15um. BSIM4 is the last model so far from Berke-
ley that belongs to the Vi based category. For simulation of transistors with
channel length of 0.13um and below, BSIM4 model has to be used.

The inversion charge based models are based upon the calculation of the
drain current in terms of the inversion charge density at the source and drain
ends of the channel. This category of compact models is based upon the physics
of MOS transistors with minimum dependence on empirical fitting parame-
ters. The parameter extraction procedure is therefore, relatively simple. The
compact models such as EKV (Enz-Krummenacher-Vittoz), ACM (Advanced
Compact Model) belong to this category.

The surface potential based models are based upon the calculation of drain
current in terms of the surface potential at the source and drain ends of the
channel. Commercial compact models such as HiSIM (Hiroshima University
STARC IGFET Model) and PSP (Pennsylvania State University Surface Po-
tential) models belong to this category.
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FIGURE 3.2
Cross-sectional view of n-type long-channel MOS transistor.

3.4 Long-Channel MOS Transistor

The schematic diagram of the cross section of a Metal-Oxide Semiconductor
(MOS) transistor is shown in Fig.3.2. The MOS transistor is a four termi-
nal device. The four terminals are called Drain (D), Gate (G), Source (S)
and Body (B). For an n-channel MOS transistor, the substrate/body is of
p-type semiconductor into which two n™ regions, the source and the drain,
are formed usually by ion implantation. The SiO2 gate dielectric is formed
by thermal oxidation of Si for a high quality SiO2 — Si interface. The gate
contact over the oxide layer is heavily doped polysilicon or a combination of
silicide and polysilicon. The length of the channel between the source and
the drain regions is called the channel length L. The width of the channel, in
the direction normal to the channel length is called as the channel width W.
The other device parameters are the oxide layer thickness t,,, source-drain
junction depth x; and the substrate concentration Nyy,.

The two types of MOS transistors that are mostly used in VLSI circuits
are n-channel enhancement mode MOS transistor (for which the conducting
carriers are the electrons) and p-channel enhancement mode MOS transistor
(for which the conducting carriers are the holes). For the former, sufficiently
large positive gate voltage is required to create conducting channel between
the source and the drain regions. On the other hand, for the latter, sufficiently
large negative gate voltage is required for the same. The following discussion
is concentrated on the n-channel enhancement mode MOS transistors. The
source terminal is the conventional voltage reference; the reason is attributed
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to digital circuits. The presented theories, however, are also applicable for p-
channel MOS transistor with suitable changes in the signs of appropriate bias
parameters.

3.5 Threshold Voltage Model for Long-Channel
Transistor with Uniform Doping

The gate-to-source voltage Vs required to produce an inversion layer in the
channel (i.e., the portion of the semiconductor between the source and the
drain regions and underneath the interface becomes of opposite polarity com-
pared to that in the substrate) is called the threshold voltage Vp [189]. When
the applied gate-to-source voltage Vs is greater than the threshold voltage,
the transistor operates in strong inversion region and when Vg is lower than
the threshold voltage, the transistor operates in the weak inversion region. The
threshold voltage for a long-channel MOS transistor is calculated as follows
[189].
This voltage consists of several components:

work function difference ®,;5 between the gate metal and silicon,

2. voltage —Qp/C,y across the oxide layer to sustain the bulk depletion
charge Qp. It is to be noted that Q) is negative for n-channel MOS
transistors and positive for p-channel transistors and C,, is the gate
oxide capacitance per unit area,

3. voltage equal to (s = 2@ ) (surface potential at strong inversion)
to induce inversion charge sheet in the channel region. It is to be
noted that this quantity is positive for n-channel MOS transistors
and negative for p-channel MOS transistors,

4. positive charge density @Q; exists in the oxide at the silicon interface
which needs to be compensated by a gate voltage equal to —Q; /Coq.

With this, the threshold voltage is thus written as
Qv Qi

V=@ 205 —
T MS T 2PF c. O

(3.1)

The quantity ®prs — Qi/Cor is known as the flat band voltage Vpp so that
the threshold voltage is more commonly written as

Qo

ox

In (3.2), the bulk depletion charge @, is defined as

Qb = \/2qesi N a5 (3.3)

Vr =Vrp +2®Fp —

(3.2)



Modeling of Scaled MOS Transistor for VLSI Circuit Simulation 91

1.3 4
12 —m—SPICE Level 1
S
" 114
>
(0]
()]
S 10
S
>
T
o 0.9+
<
[%2]
ol
ey
= 0.8+
0.7 4
T T T T T
4 3 -2 1 0
Body bias, V¢ (V)
FIGURE 3.3

Threshold voltage vs. substrate bias for a long-channel NMOS transistor.

kT N
where s = 20p =2—In A
q

is the surface potential at strong inversion
ng
and N4 = Ngyp is the uniform substrate concentration.

3.5.1 Body Effect

The body of a MOS transistor is usually connected to a constant power supply
voltage or ac ground. However, the source voltage often changes, so that the
body-to-source voltage Vpg is often non-zero. When multiple transistors are
connected in series in a circuit, they share a common body, i.e., the silicon
substrate but their sources do not have the same voltage. With a reverse bias
Vps applied between the substrate/body and source (Vg is negative for n-
channel transistor and Vpg is positive for p-channel transistor), the depletion
region is widened. The bulk depletion charge @ is enhanced and the threshold
voltage required to achieve inversion is increased to accommodate the larger
Qp. This is known as the body effect. Thus the body/substrate plays the role
of second gate. The enhanced depletion charge density is given as

Qp = /2qesiNA(2PF — Vis) (3.4)

Substituting this (3.2), we get

V/2¢esiNa(2®F — Vps)
Cox

Ve = Vio+n (\/2% ~ Vps — \/2%) (3.5)

Vr Vi +2®p —
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In (3.5) 7 is known as the body-effect parameter and Vpq is referred to as the
zero substrate bias long-channel threshold voltage of a MOS transistor. The

parameter «y is defined as
_ V2gesiNa
= (3.6)

It may be noted that the body-effect parameter v is negative for n-channel
MOS transistors and is positive for p-channel MOS transistors. The gate oxide
capacitance per unit area is defined as

Cpp = 22 (3.7)
tOIE
where €,, and t,, are the permittivity and the thickness of the oxide respec-
tively. A typical value of y is 0.5V/2 and C,, = 3.45fF/um? for to, = 10nm.
The variation of the threshold voltage of an n-channel MOS transis-
tor as obtained from SPICE simulation is shown in Fig. 3.3. The body-
effect parameter v as obtained from the graph is 0.344V'/2. With KP =
110 x 107%A4/V?2 20 = 0.7V, o = 0.0634m?/V — s, the value of v obtained
theoretically is 0.336V1/2. It is therefore, observed that Vi is a sublinear func-
tion of VBS-
The substrate bias sensitivity is defined as
r _ _ 7 (3.8)
Wss  2/2%r —Vps
At zero substrate bias, substituting (3.6), the substrate bias sensitivity is
written as

dVT 1 €Si _Cdm

dVBS T Ooz de B Cox
In (3.9), Wy, is the width of the depletion region, Cyy, is the depletion capac-
itance and m is referred to as the body-effect coefficient. The depletion depth
is defined as

=—(m-1) (3.9)

W = (3.10)

This model is derived based on the assumption that the transistor is of long-
channel length and large width and the substrate doping concentration N4 is
uniform.

3.6 SPICE Level 1 Drain Current Model

In strong inversion, the motion of the channel electrons is primarily due to
drift motion. The drain-to-source current is

Ips = WQn(y)va(y) (3.11)
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where —@),, is the inversion charge per unit area at a position y in the channel
and vg(y) is the drift velocity of carriers at that position. The chosen coordi-
nate system is shown in Fig. 3.2, ¥y = 0 means source end and y = L means
the drain end. With low drain bias, the drift velocity is given by

Va(y) = pns€(y) (3.12)

where p,s is the mobility of the electrons in the channel and £(y) =
_OVes(y)

dy
channel, also known as the channel potential defined with respect to source.
With these, substituting (3.12) in (3.11), the drain current is given as

. Here Vg (y) is the quasi-Fermi potential of the electrons in the

WV(y)

3 (3.13)

IDS = _WQn(y)Mn

Before proceeding further, several assumptions are made [132]. These are

1. The mobility pns of the carriers in the channel region is constant.

2. The variation of the electric field in the y-direction (along the chan-
nel) is much less than the corresponding variation in the z-direction
(perpendicular to the channel). This is referred to as the gradual
channel approximation [192, 189], as a result of which the inversion
charge density is controlled by the vertical electric field only. It is
this assumption which reduces the general 2-D Poisson’s equation
to the 1-D form (z-component only). This assumption is valid in
the entire channel region except beyond the pinch-off point (to be
discussed later). It may be noted that the gradual channel approx-
imation is not valid for scaled MOS transistors.

3. The threshold voltage Vr is not a function of the position y along
the channel.

With these assumptions, the inversion charge density is given as

Qn(y) = —Coz [Vas — Vr — Vs (y)] (3.14)

Substituting (3.14) in (3.13) and integrating along the channel from the source
end (y =0, Ves = 0) to the drain end (y = L, Vos = Vps), we have

L Vbs
/ IDde - ,UnsWCox/ [VGS - VT - VCS(y)] (315)
0 0

From this, the drain current for a long-channel MOS transistor is written as

w 1
Ips = /ansCo;Ef |:(VGS - Vr— §VDS> VDS] (3.16)
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It is interesting to appreciate a simple physical implication of (3.16), which
can be written as

1 V;
Ips = WCs, <VGS - Vr — §VDS> uns% (3.17)

Here C,, (VGS —Vr — %VDS) may be interpreted as the average inversion
charge density @, in the channel, Vpg/L is the average electric field in the
channel. Thus the drain current is due to an average inversion charge density
that drifts under the influence of a constant electric field.

It is observed from (3.14) that as the drain bias increases, the average in-
version charge density decreases and dIpgs/dVps decreases. By differentiating
(3.16) with respect to Vpg, it can be shown that dIps/dVpg becomes zero at
a definite Vpg, which is written as

dIps w
= VU= —UnsCox - — Nl
Vs 0=—Fun Cox Vas = Vr — Vps) (3.18)
This yields
Vbssat = Vas — Vr) (3.19)

Vbssat is referred to as the drain-to-source saturation voltage. When the ap-
plied drain bias is less than Vpgsqt, the MOS transistor operates in the linear
region of its I-V characteristics and when the applied drain bias is greater
than Vpgsat, the MOS transistor operates in the saturation region of its I-V
characteristics. In the linear region, the MOS transistor simply acts like a
resistor with a sheet resistivity

1
Psh = ILL_COJC (VGS — VT) (3.20)
modulated by the gate voltage. Beyond Vpgsat, IDs stays constant at Ipgsat,
independent of Vpg. This is given as from (3.19) and (3.16)

W (Vas — Vir)? (3.21)

1 sat — nsOoz_
DSsat = [ oL

The saturation of drain current is understood from the inversion charge den-
sity. The surface channel vanishes at the drain end of the channel when satu-
ration occurs. This phenomenon is referred to as pinch-off of the channel. The
electrons on reaching the pinch-off region in the channel are swept across due
to high drift velocity caused due to the drain potential. Thus the pinch-off
region does not present a barrier to the current flow. The drain current given
by (3.16) and (3.21) defines the SPICE-Level 1 I-V model.

The gate characteristics as obtained from SPICE Level-1 simulation is
shown in Fig. 3.4(a). The corresponding drain characteristics are shown in
Fig.3.4(b). From the gate characteristics, the threshold voltage is obtained as
0.7V. It is observed from the drain characteristics that the saturation voltage
increases with the increase in the drain voltage.
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Gate and drain characteristics of an n-channel MOS transistor as obtained
from SPICE-Level 1 simulation.
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3.6.1 Channel Length Modulation Effect

The saturation drain current model derived earlier predicts that the drain
current is independent of Vpg in the pinch-off region. However, in practice,
the drain current in the pinch-off region varies slightly as the drain voltage
is varied. This is because of the presence of the depletion region between the
physical pinch-off point in the channel (the location in the channel where the
inversion charge becomes zero) and the physical drain region. As Vpg exceeds
Vbssat, the pinch-off region begins to move slightly towards the source so that
the effective channel length reduces and thus the drain current increases. This
is known as channel length modulation effect [132].

Considering Fig. 3.5, let the depletion layer width between the pinch-off
point and the drain region be AL; then the reduced channel length is given
by

L'=L-AL (3.22)

Substituting L by L’ in the saturation drain current model (3.21), a more
accurate model for current in the pinch-off region is

W
IDSsat = Hnsoozﬁ (VGS - VT)2 (323)
Because AL and thus L’ are functions of Vpg in the pinch-off region, the drain

current Ipg varies with Vpg. From (3.22) and (3.23), we obtain

aIDS o aIDS oL’ o _/'LnSCOLIJW (V Vv )
Vps  OL dVpg 207 VT

o OL'  Ips OAL
OVps L' 9Vps

(3.24)
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The Early voltage is defined as

Ips ,(OALN
Va = =L | —— 3.25
A (BIDS ) (8VDS ( )
9Vps

The channel length modulation effect is usually characterized by the reciprocal
of the Early voltage, A = 1/V4, where A is known as the channel length mod-
ulation parameter. With this, the saturation drain current model is modified
as follows

. w 2 VDS - VDSsat
IDS - Mnscow 27, (VGS VT) (1 + VA )
w 2
/Lnscozi (VGS - VT) [1 + A (VDS - VDssat)] (3-26)

The channel length modulation parameter A is inversely proportional to the
effective channel length and the value reduces with increase in doping level in
the channel. Typical values of A are in the range 0.05V ! to 0.005V~!. The
channel length modulation effect is demonstrated through the drain charac-
teristics in Fig. 3.4(b). The value of the saturation drain current Ipgsq: and A
can be calculated by fitting any of the drain characteristics with a straight line
and noting the values of the intercept and slope. The value of A as observed
from Fig.3.4(b) is 0.04V !, which exactly matches with that provided in the
simulation model file.

3.7 SPICE Level 3 I-V Model

The derivation of the SPICE Level 1 drain current model is based on the
assumption that the bulk depletion charge Qp due to the ionized acceptors in
the depletion region near the surface remains constant throughout the channel.
However, this is not a valid assumption. The channel voltage Vog(y) increases
from source to drain, therefore the width of the depletion region increases from
source to drain. Consequently the bulk depletion charge increases along the
channel direction y. The surface potential is pinned at ¥s = 20p + Vog(y).
This is referred to as the bulk charge effect [132]. The bulk depletion charge
density is written as

QoY) = —qNsuwWam = —/2qNsupesi 2P + Ves(y) — Vps] (3.27)

The (-)ve sign in (3.27) is considering n-channel MOS transistor and Ny, =
N4. The total charge density in silicon is given by

Qs = —Cor (Vas — Vip —s) = —Cog (Vas — Vre —20r — Ves(y)) (3.28)
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The inversion charge density is then given by the difference of (3.28) and
(3.27) and is given by

@Qn = —Cox (Vas — Ve — 285 — Ves(y)) + /265iqNoup (205 + Ves(y))
(3.29)
considering Vgg = 0. Substituting this in (3.13) and performing the integra-
tion as done earlier in (3.15), the drain current as a function of gate and drain
voltages is given by

w 2v/2€5iqN gy,
Ips = ,unscoxf VésVps — # [(2‘1)1? + VDS)3/2 - (2‘1>F)3/2H

(3.30)
where Vés = (VGS — Ve —20p — %VDS). This is the SPICE-Level 3 model.
However, it is computationally difficult to evaluate (3.30) because of the mixed
square and 3/2 power law dependence for Ipg on Vpg.

Due to the bulk charge effect, the threshold voltage of a MOS transistor
varies along the channel and is expressed as

Vr(y) = Vr(0) +~ (\/2(I)F — Vis + Vos(y) — V20r - VBS) (3.31)

In (3.31), V7(0) means the threshold voltage at the source. Using Taylor ex-
pansion, a linear expression can be found to describe the bulk charge effect
due to Vpg,

Vr(y) = Vr(0) — aVes(y) (3.32)

where the bulk-charge factor « is defined as

97

SR — 3.33
“ 2205 — Vps (3:33)

and )
g= (3.34)

1 —
1.744 + 0.836 (207 — Vps)

From (3.9) and (3.33), it is observed that the bulk-charge factor « is very
closely related to the body-effect coefficient m and some authors use them
interchangeably. With the introduction of the bulk charge effect, the inversion
charge density (3.14) is given by

Qn(y) = —Cop [Vas — Vr — aVes(y)] (3.35)
The drain current for a long-channel MOS transistor (3.16) is thus given by

w

Ips = ,Unscoxf [(VGS - Vr— %VDS) VDS} (3.36)

The value of the bulk-charge factor « is greater than 1 (a typical value is
1.5) and thus the drain current is reduced from the value predicted without
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Comparison between the drain characteristics of an n-channel MOS transistor
of dimension W = 5um, L = 1um, simulated by Level 1 and Level 3 SPICE
model.

considering the bulk-charge factor. The drain-to-source saturation voltage is

thus given by

Ves — Vi
Vpssat = % (3.37)

The drain saturation current is thus given by

W (Vas — Vir)®

— 3.38
2L « ( )

Ipssat = ,Ufnscom
A comparison between the drain characteristics of an n-channel MOS tran-
sistor of same dimension, simulated with SPICE Level 1 model and Level
3 model is shown in Fig. 3.6. It is observed that the SPICE Level 1 model
overestimates the current. This is because of the assumption involved that
the threshold voltage variation along the channel is constant, which in turn,
overestimates the channel inversion charge.

3.8 MOSFET Capacitances

The various capacitors present within an n-channel MOS transistor are identi-
fied in Fig. 3.7. The MOS transistor capacitances are categorically divided into
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Various capacitors within an MOS transistor.

two components: intrinsic and extrinsic. The region between the metallurgical
source and the drain junction where the gate to source/drain region is at flat
band voltage, is referred to as the intrinsic region. The extrinsic capacitances
are divided into five components: These are [192, 30]

1. outer fringing capacitances between the poly-silicon gate and the
source/drain (S/D) region: Cro,

2. inner fringing capacitances between the poly-silicon gate and the
S/D region: Cpy,

3. the overlap capacitances between the gate and the heavily doped
S/D regions (as well as the bulk region), Cgso, Capo(Capo)s

4. overlap capacitances between the gate and the lightly doped S/D
regions Cgsor, Capor

5. source/drain junction capacitances Cyg and Cp.

3.8.1 Characterization of Intrinsic Capacitances

In the Meyer’s approach [130] for characterizing the intrinsic capacitances,
the intrinsic capacitances are treated as lumped capacitances: gate-to-source
capacitance Cgg, gate-to-drain capacitance Cgp and gate-to-bulk capacitance
Cgp. The variations of the gate charges in the three terminals caused by
variations of the corresponding terminal voltages leads to the various intrinsic
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capacitances and are expressed in a compact fashion as follows.

Caz = (3.39)

Vaz
Here Cgz is the intrinsic capacitance between the gate and the terminal
Z(S/D) and Vg7 is the corresponding voltage difference. From charge neu-
trality condition, it follows that

Qg(y) = — (Qn(y) + Qu(y)) (3.40)

where ), and @ are the inversion charge density and bulk depletion charge
density respectively and @, is the charge on the gate per unit area. In a strong
inversion region, the inversion charge density is given by (3.14) and is repeated
here for convenience

Qn(y) = —Coy (VGS —Vr — Vcs) = —Co:Vacr (3.41)

where V7 is the threshold voltage and Vg is the channel potential. The drain-
to-source current is given by

Ipsdy = —pnsWQn.dVes (3.42)
dv,
Ips = unswww%@) (3.43)

The integration is done within an appropriate limit after substituting @,, and
is written as

L Ves—Vr

IDS/ dy - ,UnsWOoz/ VGCTdVGCT (344)
0 Vap—Vr

The drain current is given by

Hns Wooz

I =
DS 2L

[(VGS —Vr)® = (Vep — VT)2} (3.45)

Considering the variation of the charges along the channel length, the total
gate charge is given by

L L L
Qe =W / Quy)dy — W / Quly)dy = —W / Qu(y)dy — Qs (3.46)

where @ p is the total bulk depletion charge. Substituting appropriate equa-
tions, this is given by

(Vap — Vr)® — (Vas — Vr)°
(Vap — Vr)* = (Vas — Vr)®

2
QG = gWLCox — QB (347)
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The intrinsic capacitances in the linear region are determined from the fol-
lowing equations

Cos = |29 (3.48)
IWas Vep,Van
0
Cep = aSG (3.49)
GD \Vas,Vas
0
Cop = 836’ (3.50)
GB |vgs,Vap

Therefore, differentiating (3.47) following (3.48), (3.49) and (3.50), we get the
following expressions for the three intrinsic capacitances in linear region

2 (Vap — Vr)?
Cas = =WILC,, |1— 3.51
@8 3 (Vas — 2V + Vap) (3:51)
2 (Vas — Vr)*
Cop = =WLC,, |1- 3.52
op 3 (Vs — 2V + Vap) (3.52)
Cag = 0 (3.53)

The fact that Cgp is zero at the strong inversion region is explained by the
fact that the inversion layer in the channel from the source to the drain screens
the silicon bulk from the gate charge. Therefore, any change in substrate bias
does not affect the gate charge.

In the saturation region, the gate-to-drain voltage is

Vep = Vas — Vpssat = V1 (3.54)
The total gate charge is therefore,
2
Qg = §WLCOI Ves —Vr) — Qs (3.55)

The various intrinsic capacitances in the saturation region are thus given by

2
Cos = 3WLCo (3.56)
Cep = 0 (3.57)
Cop = 0 (3.58)

The physical explanation for (3.58) is same as that given for (3.53). The
physical explanation for the fact Cgp = 0 is that in the saturation region the
channel is pinched off at the drain end of the channel, so that the channel is
electrically isolated from the drain. Therefore, the gate charge is not influenced
by the change in drain voltage and thus Cgp = 0.

In the weak inversion region, the inversion charge is negligible compared
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to the bulk depletion charge, so that the charge neutrality condition is given
by

Qg = _Qb = Com'y "/]a (359)
where 1), is the surface potential in the weak inversion region and is given by
[194]

5 2
Ya = (% + \/Vz + Ve — VFB) (3.60)

The total gate charge in the weak inversion region is given by

1 4
Qc = —§WLCM72 [1 - \/1 + = (Vap — VFB)} (3.61)

The various intrinsic capacitances in the weak inversion region are determined
as follows

Cos = 0 (3.62)
Cep = 0 (3.63)
Cop = WiCo (3.64)

4
\/1+ e (Ve — VrB)

It is observed from (3.56) that Cgs = 2/3WLC,, when Vgg = Vr in the
saturation region. However, when Vgs < Vp, Cgs = 0 according to (3.62).
In order to avoid this discontinuity it is proposed that C'gs decreases linearly
from 2/3WLC,, at Vgs = Vr to zero at Vgs = Vp — ®p. This is justified
in the sense that the channel charge cannot become zero until the inversion
layer vanishes totally.

In the accumulation region, Cgp = Co, WL and Cggs = Cgp = 0.

3.8.1.1 Charge Partitioning

The Meyer’s model assumes that the node capacitance elements are all re-
ciprocal (e.g., Cap = Cpg) and computes the gate capacitance elements by
considering only the gate charge. However, this model yields non-physical re-
sults when used for the simulation of circuits that have charge storage nodes,
e.g., MOS charge pumps, switched capacitor circuits etc. This is referred to as
the charge non-conservation problem. SPICE Level 2 models onward use the
Ward-Dutton model [200] for capacitance calculations. This model considers
the capacitive elements as non-reciprocal and assigns charges to each of the
device terminals.

In the Ward-Dutton model, the inversion charge @, .W.L is divided be-
tween the source and the drain terminals. This is achieved by introducing a
parameter X QC', defined by

Qp = XQCxQ,W.L (3.65)
Qs = (1-XQC)xQ,W.L (3.66)
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The overlap, fringing, and junction capacitances.

The default value of the factor X QC'is 0.5 signifying equal charge partitioning.
However, the value of this factor is often considered to be 0.4, which gives good
matching with experimental results.

3.8.2 Characterization of Extrinsic Capacitances

The extrinsic components of MOS capacitances are of three broad types: (i)
gate overlap capacitances in S/D and bulk region, (ii) inner and outer fringing
capacitances and (iii) S/D junction capacitances.

3.8.2.1 Overlap and Fringing Capacitances

The various overlap and fringing capacitances are shown in Fig. 3.8. The
overlap is due to the lateral diffusion of the source and the drain underneath
the polysilicon. The overlap capacitance is approximated as

Caxon = LD.W.Cop = E‘m?fﬂ = CGXO.W (3.67)

ox

where CGXO is the overlap capacitance per unit length, W is the effective
channel width, C,, is the oxide capacitance per unit area and LD is the
amount of overlap caused due to the lateral diffusion. Besides the gate-to-
source/drain overlap, there is an additional parasitic capacitance between the
gate and the bulk caused by the over-layer of the poly-silicon gate required
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at one or both ends. The width of the over-layer is the channel length of the
device. Thus the gate-to-bulk overlap capacitance is given by

Cepov = CapoL (3.68)

where Capo is the gate-to-bulk overlap capacitance per unit length. This
capacitance exists only in the cut-off region.
In the linear and saturation regions, the overlap capacitances are given as

Cason = CGSO.W (3.69)
Cépov = CGDO.W (3.70)
CéBov =0 (3.71)

These capacitances are added to the intrinsic capacitance of the correspond-
ing regions as determined from the Meyer’s formula. It may be noted that the
overlap length LD needs to be interpreted as the equivalent overlap length
rather than the physical overlap length. Because of the lateral source-drain
doping gradient at the surface, the overlap capacitance depends upon the drain
bias. As a result of the enhanced drain depletion region with the application
of drain bias, the equivalent overlap length LD reduces and the overlap capac-
itance value decreases slightly. This is especially the case with modern MOS
transistors having source/drain extensions [192]. It has been reported that a
minimum length of direction overlap region of the order of LD = (2 — 3)t,, is
required to avoid reliability problems caused due to hot-carrier injection into
the ungated region [192].

By solving Laplace’s equation analytically with appropriate boundary con-
ditions, the outer and inner fringing capacitances are written as [172]

2 OIW t ate
Cro = 2220 1y (1+ gat ) (3.72)
™ tox
QESZ'W X,
Crr = In(1+=L 3.73
FI - n( + 2t01> (3.73)

where tgq¢c is the height of the poly-silicon gate and x; is the depth of the
source or drain junction. It may be noted that the contribution of inner fringe
capacitance is comparatively larger than the outer fringe capacitance because
of higher dielectric constant of silicon. However, it is present only in the weak
inversion region. In the strong inversion region, the inversion layer shields
any electrostatic coupling between the gate and the inner edges of the source
or drain junctions. A similar situation happens in the accumulation region
also, when the applied gate bias is negative for the n-channel MOS transistor.
Therefore, except in the weak inversion region, the overlap capacitance consists
of the direct overlap and the outer fringe components [192].

3.8.2.2 Junction Capacitances

The junction or diffusion capacitances arise from the depletion charge between
the S/D and the substrate. With the variation of source or drain voltages, the
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Bottom and sidewall component of a junction capacitance.

depletion charge increases or decreases accordingly. The junction capacitance
per unit area of an abrupt p-n junction is [192]

€si €5iqNsub €5iqNsub } "
C;, =2 = = 3.74
! Wai 2 (e + VR) [2 (Yo + VRr) (8.74)

Here Wy; is the depletion layer width underneath the S/D junctions with
respect to the substrate, i, is the built-in potential as defined below
kT NguwpN,
= (N
q n

7

(3.75)

and Ny, is the substrate concentration, Ngp is the S/D concentration and
Vg is the reverse bias voltage across the junction. In (3.74), m is the grad-
ing coefficient whose value is 1/2 for abrupt p-n junction. For zero-bias, the
capacitance Cjq is defined as

6Siqj\/vsub "
Cjo=|—F— 3.76
7 [ 2thpi ] (3.76)
With this, (3.74) can be algebraically written as
V —m
C;=Cyo (1 + —R) (3.77)
Vb

The junction capacitance has two components: a bottom component and a
sidewall/perimeter component. This is illustrated in Fig. 3.9. The total junc-
tion capacitance is thus written as

C;=CpA+CrswP (3.78)
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Cyp is the bottom component of the junction capacitance per unit area, A
is the total junction area, Cjgw is the sidewall component of the junction
capacitance per unit length and P is the total junction perimeter. Using (3.77),
these components are written as

Ve ™
Cys = Cypo (1 + —R) (3.79)
Vbi
VR —msw
Cysw =Cyswo | 1+ T (3.80)

Here mp is the grading coeflicient for the bottom component and mgy is the
sidewall component.

The variations of the capacitances Cgg and Cgp with the drain-to-source
bias Vpg for three different gate biases as obtained from SPICE simula-
tions are shown in Fig. 3.10(a) and Fig. 3.10(b) respectively. Some obser-
vations from the graphs are (1) In the cut-off region/sub-threshold region,
Ces = 1fF,Cap = 1fF. Although the intrinsic capacitances are zero, the
gate-to-source/drain overlap capacitances contribute in this region. These are
calculated as CGSO/CGDO x Weys¢. (2) For Vgg=3y, the transistor remains
in the linear region up to Vpg = 2V. On the other hand, for Vgg = 1V, the
transistor remains in the linear region up to Vpg = 0.5V. Therefore, the two
graphs merge at the saturation region. (3) The value of Cgg in the satura-
tion region is greater than in the linear region. (4) The value of Cgp in the
saturation region is due to the extrinsic components.

3.9 Short-Channel MOS Transistor

MOS transistors are classified into long or scaled (short) MOS transistors
based on the relation of the channel length to the depletion widths under the
gate for Vps ~ 0. When the channel length of a MOS transistor becomes
comparable to the sum of the source and drain depletion widths, the transis-
tor is said to be a scaled or short-channel transistor. The minimum channel
length for which a MOS transistor may be considered to be long-channel MOS
transistor is given by the following criterion [189].

,71/3
L>C [:Ejtom (Ws + Wp) (3.81)

where z; is the S/D junction depth, ¢, is the oxide thickness, (Ws + Wp) is
the sum of the source and drain depletion widths. For Vpg = 0, Wp = Wg.
The characteristics of a scaled MOS transistor differ from those of a long-
channel MOS transistor primarily due to the following reasons. First, the
electric field in the channel of a scaled MOS transistor is two dimensional in
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Variation of intrinsic capacitances with drain bias as obtained from SPICE
simulation.
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contrast to that of a long-channel MOS transistor. For short-channel MOS
transistors, the two-dimensional Poisson’s equation is given by [189]
P | i P

a2t T (3.82)

where p is the space charge density within the channel. Considering uniform

substrate concentration and under depletion approximation, the Poisson’s

equation is written in terms of the electric field as
% % P _ qNsub

oz Jy B €55 B €Si

(3.83)

Here &, is the vertical component of the electric field and &, is the lateral
component of the electric field. The vertical component of the electric field is
originated due to the gate voltage. On the other hand, the lateral component of
the electric field is originated due to the S/D regions for short-channel length
MOS transistors. The gradual channel approximation, which neglects the lat-
eral component electric field, i.e., &, is thus not applicable for a scaled MOS
transistor. The existence of the 2-D channel field in short-channel MOS tran-
sistor is the fundamental difference between long-channel and short-channel
MOS transistors. This lateral electric field &, is responsible for various short-
channel effects in scaled MOS transistors.

The electric field in the channel of a short-channel MOS transistor is high
compared to that of a long-channel MOS transistor. It was shown in Chapter
1 that the scaling of supply voltage has not been achieved at the same rate as
the scaling of feature sizes. Therefore, the electric field in the channel becomes
high due to scaling of transistor dimensions. This leads to several phenomena
related to the high electric field in scaled MOS transistors.

Miniaturization of feature size introduces several technology related phe-
nomena such as unwanted parasitics, quantization of energy levels, non-
uniform substrate etc. Therefore, scaled MOS transistors often demand use of
new materials and non-conventional structures.

The important effects in scaled MOS transistors that have been reported
in literature [30] are

Short-channel effects and narrow width effect
Carrier mobility degradation due to gate field
Carrier velocity saturation

Parasitic source and drain resistance effect
Poly-gate depletion layer effect

Hot electron effect and dielectric breakdown

Punchthrough effect

® NS o W

Gate induced drain leakage
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9. Carrier energy quantization

10. Ballistic transport

These effects critically affect the various electrical characteristics of a scaled
MOS transistor. The primary electrical quantities which are significantly af-
fected are the threshold voltage, various terminal currents, small signal pa-
rameters and other performance parameters such as input referred noise etc.
These are discussed in the subsequent sections.

]
3.10 Threshold Voltage for Short-Channel MOS Tran-
sistor

For a scaled MOS transistor the value of the threshold voltage reduces when
the channel length decreases and the reduction is aggravated with increase of
the drain bias. This phenomenon is known as the short-channel effect and is
primarily caused by the combination of two effects: (i) source/drain charge
sharing, (ii) drain induced barrier lowering. These are discussed below in the
subsequent sub-sections.

3.10.1 Source/Drain Charge Sharing

The two-dimensional field pattern in scaled MOS transistors arises because
of the closeness of source and drain regions. Similar to the depletion region
underneath the gate, there exist depletion regions surrounding the source and
the drain regions because of the p-n junction between the source/drain and
substrate regions. For a long-channel MOS transistor, the source and drain
regions are far apart and hence do not contribute to the field pattern in most
part of the device. On the other hand, for short-channel MOS transistors,
the field lines that terminate on the fixed depletion charges originate not only
from the gate but also from the source and drain regions. This is schematically
illustrated in Fig.3.11. This is referred to as the source/drain charge sharing.
As is observed from Fig.3.11, for low drain bias, the field lines that terminate
within the trapezoidal region PSTQ may be considered to originate from the
gate. The rest of the field lines originate either from the source or from the
drain. The total depletion charge within the trapezoidal region PSTQ is pro-
portionally less than the total depletion charge within the rectangular region
PRUQ for the long-channel case. Therefore, a smaller amount of gate volt-
age is able to induce inversion in short-channel MOS transistors compared
to long-channel transistors. Consequently the threshold voltage magnitude is
smaller in short-channel MOS transistors compared to long-channel transis-
tors. As the channel length is reduced, the threshold voltage falls from its
long-channel value. This is known as threshold voltage roll off.
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FIGURE 3.11
Source/drain charge sharing leading to threshold voltage reduction.

3.10.1.1 Level 2 Compact Model for Vp

First order estimation of the reduction of threshold voltage can be made by
considering the charge partition. The total bulk depletion charge is

L+L
2

QB = WqNsuwWaim ( (3.84)

For small drain bias, a valid assumption is Wys = Wyp = Wyy,. From trigono-
metric analysis, it is easy to show that

L'=L-2 (,/:1:? + 2Wamz; — a:j) (3.85)

Consequently the threshold voltage shift from the long-channel behavior is
given by [206].

Ny Wm; 2,
AVp = L subWdm®y ( 14 Zdm 1) (3.86)
Lj

CozL
The negative sign indicates the fact that the threshold voltage is lowered. It
is observed from (3.86), that the reduction of the maximum depletion depth

Wam, and source/drain junction depth x; are essential to reduce the threshold
voltage roll off. To consider the drain bias and the substrate bias, (3.86) is

modified as follows [1, 189]
2 2
< 1+ Wd5—1>+< 1+ WdD—l)]
X Zj
(3.87)

where Wys and Wyp are given as [189)

_ qNsudemxj

A =
Vr 2C, . L

2651’
qNsub

Was ~ (i — s — VBs) (3.88)
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It has been assumed here that the vertical depletion widths of the source/drain
are equal to Wys and Wyp. The threshold voltage expression with substrate
bias as used in SPICE Level 2 compact model is written as [1]

Vi =Vrp +20p — ’st\/ 20p — Vpg (3.90)

where f, is known as the form factor and is defined as

2 2
( 1+ st—1>+< 1+ W””’—lﬂ (3.91)
Lj Lj

For more aggressively scaled channel lengths, the Level 3 model includes a cor-
rection in the form factor based upon some empirical assumptions. This makes
the expression of the form factor extremely complicated without offering any
extra physical significance and hence is not given here.

WdD ~

(v + Vps — s — Vis) (3.89)

3.10.2 Drain-Induced Barrier Lowering

The physics of the drain induced barrier lowering (DIBL) can be understood
by considering the potential barrier (to electrons for an n-channel MOS tran-
sistor) at the surface between the source and the drain. This is illustrated in
Fig. 3.12. When the transistor is in OFF state, the potential barrier (p-type
region) prevents the carriers to flow from the source to the drain. With the
increase of gate voltage the surface potential increases and consequently the
energy barrier difference between the source and the channel decreases. This
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leads to increase of carrier injection from the source to the channel over the
lowered energy barrier. In a long-channel MOS transistor, the potential bar-
rier is flat over most part of the device. The drain bias can change the effective
channel length, but the barrier height between the source and the drain re-
mains constant. In a scaled MOS transistor, on the other hand, the drain and
source fields penetrate deeply into the middle of the channel, which lowers
the potential barrier between the source and the drain. Therefore, at lower
gate voltage, the carrier can overcome the barrier between the source and the
channel. Therefore, the threshold voltage becomes lower than the long-channel
value. With the application of high drain bias to a scaled MOS transistor, the
barrier height is lowered even more, resulting in further decrease of the thresh-
old voltage. The maximum barrier shifts toward the source. This phenomenon
is called drain induced barrier lowering.

3.10.2.1 Level 3 Model of DIBL

The Level 3 model provides an empirical expression of the following form to
account for the DIBL.

8.15 x 10722

&5 Vps (3.92)

AVrpisL =0Vps =1

where 7 is often referred to as the coefficient of static feedback.
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3.10.3 BSIM3/BSIM4 Compact Model for Threshold
Voltage

A major limitation of the charge sharing model is that the assumption of
constant surface potential for high drain and substrate bias is not valid for
short-channel MOS transistors. In addition, the 1/L dependence of threshold
voltage does not match with experimental data well. A fairly accurate model
for the threshold voltage of a short-channel transistor is derived here using a
quasi-two-dimensional approach [119]. Because of its simple functional form
and computational efficiency, the model is suitable for device design and circuit
simulation purposes.

Let us consider Fig. 3.13, which shows the cross-section of a MOS tran-
sistor at threshold voltage. The depletion region is formed due to the vertical
field caused by the applied gate-to-source bias and the lateral field caused by
the applied drain-to-source bias. Let us consider a rectangular Gaussian box
ABCD, which is bounded between (i) source y = 0 and drain y = L in the
lateral dimension and (ii) the interface x = 0 and the edge of the neutral
substrate region x = Wy, .

The 2-D Poisson equation in the channel is written as

% + % — qNsub
ox oy €si

(3.93)

where Ng,p is the substrate concentration. The boundary conditions for the
potential are written as

Y(z,0) =¢s(0) = ¢p  along AB (3.94)
Y(z,L) =1s(L) = Vps -+t along DC (3.95)
YWam,y) = 0 along BC (3.96)

where p; is the built-in potential of the p-n junction formed between the
source and the substrate regions. This is given as

kT (Nsub-NSD)

Yy = — In 5 (3.97)

q n;

3

where Ngp is the source-drain concentration. Now let us individually consider
the two terms in the L.H.S of (3.93).

% [5:6 (07 y) — g(deu y)]

= 3.98
(933 de ( )
Now we have
VGS - VFB - ws(y) = wom = 501 (07 y)'tom (399)
Therefore, we have
Ves — Vep — s
00 (0,y) = Ye5 = VrE Z1s(0) (3.100)

tOI
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From the continuity of the displacement vector, €,;£,:(0,y) = €5:&.(0,y) we

have
(VGS —Vrp — 1/Js(y)>

tOIE

€ox
€53

Substituting (3.101) in (3.98) and considering the fact that at the depletion
depth, the vertical electric field is zero, we have
0% _ €ox Vas — Ve — ¥s(y)

= 3.102
Ox €35i todom ( )

(3.101)

Now let us consider the second term in the L.H.S. of (3.93). For the considered
Gaussian box, the term 0¢,/0y is a function of = along the depth. However,
for simplicity the term is considered to be uniform along the depth, with an
average value given as

08y _ 1dSsy

gy n dy
where s, is the electric field at the surface (z = 0) and 7 is a fitting parameter.
Therefore, substituting (3.102) and (3.103) in (3.93), we get

(3.103)

Eo_x VGS - VFB - 1/}s(y) + ldgsy _qNsub

= 3.104
€Si todem n dy €Si ( )
This can be written as
d s V - V - ¥s Nsu
Sy | (Vaos rp $s@) ) _ _1aNsup (3.105)
dy Iy €si

In (3.105), I; as defined below is the characteristic length of the lateral electric

field in the channel
itomW m
Iy = /u (3.106)
Ne€ox

Now considering the fact that &, = —di,/dy, we arrive at the following

*Ys(y)  Us(y) _ aNswn  (Vos — Vrp)

5 = E (3.107)
The solution to (3.107) is given by
B ‘ B sinh(y/L)
Vs (y) = Ysr + (Yri + Vbs — ¥s1) Soh(L/T) +
o sinh[(L - y)/i]
(Vi — %L)W (3.108)

In (3.108), ¥s1, = Vigs — Viro + s represents the long-channel surface potential
and Vg is the long-channel threshold voltage. The channel potential expressed
by (3.108) may be considered to be long-channel surface potential modified
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by the source-drain field. It is to be noted that the depletion depth Wy, is
assumed to be constant throughout the channel while deriving the equations.
However, in reality, the depletion depth Wy, is a function of the drain voltage
and channel length. This is incorporated by considering Wy, /n to be the
average depletion depth in (3.106).

It is thus observed that with this approach, the surface potential in the
channel does not remain constant in the channel, rather it varies along the
channel. The location yg in the channel where the surface potential is minimum
is derived from the condition [119)

1/}smin = 1/)5 (yO) (3109)
dys

s - 11
% 0 (3.110)

Y=Yo

For the condition Vpgs << (¥p; — ¥s1.) , Ysmin can be obtained from (3.110),
assuming yo = L/2. This is given as

sinh (L/21,)

1/}smin - 1/}SL + [2 (wbz - 1/}SL) + VDS] W

(3.111)

At threshold voltage ¥smin = 2® . From the above considerations, the thresh-
old voltage for short-channel MOS transistor is given by

Vi = Vo — AV (3.112)

where Vg is the long-channel threshold voltage, given by (3.2) and AVr is
the amount of reduction of threshold voltage due to short-channel effect and
AV is given by

AVr =07 (L) [2 (Yvi — ¥s) + Vps] (3.113)
In (3.113) 67 (L) is the short-channel effect coefficient depending on the chan-
nel length and is given by

1

or(l) = 2cosh (%) -2

(3.114)

In order to make the model valid for different technologies, several empir-
ical parameters have been included in the model. The short-channel roll off
model is written as [55]

DVTO

67 (SCE) =
9cosh (DVTl.l—’; - 1)

(3.115)

With this the threshold voltage reduction due to short-channel effect only is
written as

AVp(SCE) = 07 (SCE) (¢vi — 1s) (3.116)
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The characteristic length is modified to [55]

itomW m
Iy = )28 dm () 4 DY T2.Vps) (3.117)
601}

Correspondingly the DIBL effect is expressed as [55]
1

67 (DIBL) = (3.118)
cosh (DSUB.i — 1)
t0
AV (DIBL) = 67 (DIBL)(ET A0 + ETAB.Vs)Vps (3.119)
with [;o written as
itoxW m
L = 4| Silor W dmo (3.120)
EOIE

and

/2651'2/15
2! dm0 qNsub ( )

It may be noted that DVT'1 may be considered to be equal to 1/,/7, DVT2
and ET AB account for substrate bias effects on SCE and DIBL respectively.
For non-uniformly doped substrate, Ny, is to be replaced by the channel
doping concentration, e.g., Npgp.

The SPICE simulation results (using PTM- 45nm, BSIM 4 model) illus-
trating the short channel effects on the threshold voltage (Vi roll-off and DIBL
phenomenon) of an n-channel MOS transistor is shown in Fig. 3.14(a) and
Fig. 3.14(b) respectively. The width of the transistor is taken to be 5um for
simulation purposes, in order to avoid any contribution due to narrow width
effect. The channel length is taken to be 65nm. The supply voltage is 1V. The
physical oxide thickness is 1.1nm and the electrical oxide thickness is 1.75nm.
The substrate is uniformly doped and the concentration is 3.24E18/em3. The
source/drain concentration is 2E20/cm3. A comparison between the threshold
voltage roll off and DIBL characteristics as obtained from BSIM simulation
results and calculated analytically using the models discussed above is shown
in Fig. 3.15.

3.10.4 Short-Channel Effect Immunity

In order to minimize the short-channel effect, the aspect ratio of the MOS
transistor should be sufficiently large. The aspect ratio is defined as

dimension)ateral

AR = 3.122
dimensionyertical ( )
For a MOS transistor, the aspect ratio can be expressed as [154]
L
AR = (3.123)

[tor (si/€on)] /2 22/ PWN/2
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Comparison between BSIM simulation results and analytical results for thresh-
old voltage roll off and DIBL characteristics.

where €g; and €,, are the permittivities of the silicon and silicon-dioxide re-
spectively, z; is the source/drain junction depth, Wy, is the maximum de-
pletion depth and ¢,, is the oxide thickness. It is therefore, observed that
reduction of oxide thickness, junction depth and maximum depletion depth
are the keys to minimize the short channel effects in a scaled MOS transistor.
The values of the aspect ratio for a MOS transistor of channel length 65nm at
three different technology nodes are summarized in Table 3.1. It is observed
that with scaling down of the technology nodes, the various parameters are
scaled in a manner such that the aspect ratio is improved.

TABLE 3.1
Aspect Ratios for Transistor of Channel Length L = 65nm with Technology
Nodes

Node | AR tox Ngup x;

32nm | 24.45 | 1.65nm | 4.12F18/cm? | 10nm
45nm | 21.03 | 1.75nm | 5.24E18/cm? | 14nm
65nm | 18.07 | 1.85nm | 2.54E18/cm? | 19.6nm
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3.11 I-V Model for Short-Channel MOS Transistor

Drain characteristics of scaled MOS transistors depend upon two significant
physical phenomena, namely the carrier mobility degradation and the carrier
velocity saturation. Therefore, these are discussed first.

3.11.1 Carrier Mobility Degradation

The degradation of mobility of the carriers in the channel region due to applied
gate voltage plays a significant role in the drain current characteristics of a
MOS transistor. The drain current of a MOS transistor is determined by the
mobility of the carriers in the channel region, which is significantly different
from the bulk mobility. The reasons are discussed below.

3.11.1.1 Surface Mobility

The surface mobility of the carriers differ from the bulk mobility primarily
because of several scattering mechanisms which take place in the channel
region. These are the [192, 189).

1. The phonon scattering
2. The Coulombic scattering

3. The surface roughness scattering

The lattice vibrations in silicon at the interface emit and absorb phonons
while exchanging energy with the carriers resulting in lattice scattering. The
frequency of such scattering phenomenon increases as the temperature is in-
creased, since the thermal agitation of the lattice increases. The phonon scat-
tering leads to reduced mobility of the carriers at the surface.

The carriers in the channel region suffer collision with the ionized impuri-
ties, interface state charges and fixed oxide charges. The Coulombic attraction
and repulsion of the carriers with the interface state charges and fixed oxide
charges leads to scattering of the carriers from the normal drift motion. This
is referred to as the Coulombic scattering, the rate of which is proportional to
the channel doping concentration. The Coulombic scattering reduces as the
temperature is reduced. This is because of the fact, that with increase in tem-
perature, the thermal velocity of the carrier increases and thereby the carriers
can overcome the Coulombic interaction. The Coulombic scattering plays a
dominant role in the weak and the moderate inversion condition compared to
the strong inversion condition, because under the latter condition due to the
screening phenomenon by the mobile inversion carriers, the effect of ionized
scattering gets weakened.

The surface irregularities in the Si-SiO2 act as scattering centers to the
carriers. The surface roughness has significant effect in determining the mo-
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bility of the carriers in the channel. At low temperature, surface roughness
scattering is the dominant mechanism at high electric fields.

These three scattering mechanisms determine the surface carrier mobility
through Matthiessen’s rule, as [192, 189]

1 1 1 1
—=—+—+
Hs  He  Hph  Hsr

(3.124)

where 1/pc, 1/ppn and 1/ps, are the mobility components related to the
coulomb scattering, the phonon scattering and the surface roughness scatter-
ing respectively and us is the surface mobility of the carriers.

3.11.1.2 Mobility Dependence on Gate Field

Increasing the vertical electric field, i.e., the gate field, forces the carriers in
the channel to come closer to the surface of the silicon. There the surface
roughness impedes the movement of the carriers, thus reducing mobility. The
average vertical electric field depends on the inversion and bulk charge under
the gate through Gauss’s law and is given by [85]

§o = (Qv +1Qn) (3.125)

1
€Si
where 7 is approximately 1/2 for electrons and 1/3 for holes, the exact values

depend upon the process technology. Substituting the following expressions

Qn = —Cozx(Vas —Vr) (3.126)
Qb = —Cox (VT — VFB — 2(1)}7) (3.127)
the average vertical electric field is given by

(Vas + VT) —2Vpp — 4%p N (VGS +Vr)+02V
6t o ~ 6t oa

&o = (3.128)
for n™ poly-silicon gate n-channel MOS transistors. The dependence of the
surface mobility of the carriers on this average electric field and hence on the
gate bias is given by the following empirical relationship [1, 85]

= H0__

S gm v

1+ (&)

Here pg is the surface mobility of the carriers in the absence of any gate
field, v is a constant whose value is nearly 1.85 for electrons at the surface
and nearly 1.0 for holes at the surface. &, is the critical electric field (nearly
0.9 MV/cm for electrons at surface and nearly 0.45MV/cm for holes at the
surface). The model (3.129) although fitting experimental data well, is difficult

to compute because it involves a power function. Therefore, making a Taylor
series expansion of (3.129) in terms of some fitting parameters whose values

(3.129)
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FIGURE 3.16
Variation of surface mobility of the carriers with gate bias.

are to be determined from experimental data, the following mobility models
are proposed by BSIM [30].

Ho
s = 5 (3.130)
Vas + Vi Vas + V-
1+UA(GS T>+UB<GS T)

tOI

ox

where U4 and Up are the two fitting parameters. The substrate bias depen-
dence of the mobility is incorporated by introducing another parameter, Uc
in (3.130). With this, the model becomes

[ = v “OV o (1D
+ +
14+ (Ua+UcVas) (%) +Up (%)
fs = Ho . (3.132)
Vas + V5 Vas + V1
14+ [Ua (%) +Ug (%) (1+UcVas)

These different models are incorporated in the SPICE simulator by using
suitable mobility selector flags. It is observed that the mobility in a strong
inversion region is a function of the gate bias. The variation of surface mobility
with gate bias is shown in Fig. 3.16. However, in a weak inversion region, the
variation of inversion charge with gate voltage cannot be modeled accurately.
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Tllustration of carrier velocity saturation.

Hence the mobility of the carriers is considered to be constant in the weak
inversion region [85, 30].

It may be noted that carrier mobility degradation affects long-channel
transistors too. However, the effect is serious for scaled MOS transistors. This
is because of the fact that &, is higher for scaled MOS transistors because the
power supply voltage is often not scaled as much as suggested by constant
field scaling when the gate-oxide thickness is reduced.

3.11.2 Carrier Velocity Saturation

Carrier velocity saturation is another important physical phenomenon that
critically affects the I-V characteristics of a scaled MOS transistor. If the
lateral electric field is small, the drift velocity of the carriers is linearly pro-
portional to the applied lateral field and is given by [1, 85]

Vd = ngy (3133)

Here p15 is the surface carrier mobility and is independent of the lateral field &, .
However, as the lateral field £, becomes high, the carrier velocity no longer
follows (3.133). With the increase of lateral field, the kinetic energy of the
carriers increases. When the energy of a carrier exceeds the optical phonon
energy, it generates an optical phonon and much of its velocity is lost in this
process. Consequently, the kinetic energy and therefore the drift velocity can-
not exceed a certain value. The limiting velocity is called saturation velocity
[85]. This is illustrated in Fig. 3.17. Measured data indicate that the satura-
tion velocity of an electron in a surface channel is between 6 and 10 x 105cm /s
and that of a hole is between 4 and 8 x 10%cm/s. At lower fields, the velocity
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is fitted by an equation of the form [85, 132]

vy = — Pty €, < Esat (3.134)
(1 + 5—”)
gsat

On the other hand, for fields greater than the saturation field ,;, the velocity
becomes constant and is given by

Vd = VUsat fu > gsat (3135)

The parameter £,,¢ is obtained by solving the field for which vy = wvsq: as
predicted by (3.134) so that the vy — &, relation is continuous. Hence,

2v
fsat = —2 (3.136)
fhs
Despite the various simplifications and assumptions made to derive this model,
this is found to be useful for predicting drain current in scaled MOS transis-
tors.

3.11.3 Drain Current in Scaled MOS Transistor

To derive the I-V model of a scaled MOS transistor, we start with (3.13),
which is repeated here for convenience.

oV(y)

IDS = _WQn(y)Mnsa—y (3137)

where pi, is the surface mobility of electron. Substituting the inversion charge
expression for strong inversion from (3.35), and applying the mobility expres-
sion from (3.134) we have

dVes
Hns dy

1 + (d‘gjs) /é-sat

As done earlier by integrating this expression within appropriate limits, we
have

Ips =WCo (Vas — aVes — Vr)

(3.138)

L Vbs
/ Ipsdy = / (WCoztins Vas — aVeos — Vi) — Ips/&sat] dVes
0 0

(3.139)
Therefore, the drain current in a scaled MOS transistor is given by [85, 132]
w «
fcoz,uns (VGS - Vr— §VDS) Vbs
Ips = . (3.140)
DS
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When the channel length L is large, the denominator becomes unity and
(3.140) reduces to (3.36).

Because of the carrier velocity saturation phenomenon, it is expected that
the drain current saturates when the carriers arrive at the drain with their
limiting velocity vsq:. Let the drain voltage at which the carriers saturate be
designated by Vpgset- The inversion charge density at the drain region is thus

Qnp(y) = —WCoy (Vas — Vr — aVpssat) (3.141)

Therefore, the saturation drain current is given by
IDSsat = Wcoz (VGS - VT - aVDSsat) Vsat (3142)

By equating (3.140) and (3.142) at &, = &sqt and Vps = Vpssat, we arrive at
the following expression for the drain-to-source saturation voltage [85, 132]
1 « 1

Vbssat  Vas —Vr - sarL (8.143)
Thus it is observed that the drain-to-source voltage for a scaled MOS tran-
sistor is an average of &.:L and the long-channel Vpgser = (Vas — Vi) /.
The variation of the saturation voltage Vpgsqr with (Vgs — V) is shown in
Fig. 3.18. It is observed that the velocity saturation effect reduces the drain
saturation voltage with scaling of channel length. In addition, the gate oxide
thickness also has a significant effect on drain saturation voltage.

Some salient features of the drain current model for scaled MOS transistor
are discussed below.

By comparing (3.36) and (3.140), it is observed that scaling only mini-
mally modifies the behavior of drain current in triode/linear region. The only
significant change is caused by mobility degradation, which is higher for scaled
MOS transistors.

Substituting (3.143) in (3.142), the drain current of a scaled MOS transis-
tor in the saturation region is given by [85]

w (Vas — Vr)?  long-channel Ipgar
1 ssat — 51 nsooz - 3.144
b ! 204[1'u 1+ VGs —VT 1+ VGs —VT ( )
OéfsatL OégsatL
Two special cases are distinguished.
1. For long-channel or low Vs case, sqt L >> (Vas — Vi)
Vs — Vi
Visaar = /&5 ~ V1) (3.145)
o}
w 2
IDSsat = ﬂﬂnscom (VG’S - VT) (3146)

For low power analog circuit design, the overdrive voltage is small
so that &t L >> (Vgs — V) and scaled transistors exhibit long-
channel characteristics.
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FIGURE 3.18
Variation of the drain saturation voltage with (Vgs — Vr) in the presence of
velocity saturation with channel length as a parameter.

2. For very short-channel transistors, st L << (Vas — Vr), Vbssat =
Vas — Vi
ol < %

IDSsat ~ statcoz (VGS - ‘/t - O‘gsatL) (3147)

It is interesting to note that Ipgset is proportional to (Vas — Vi)
rather than (Vgg — VT)2 and does not explicitly depend upon the
channel length in comparison to a long-channel transistor. A chang-
ing L affects Ipgsqt only through its influence on the term Vpgsqe.
In order to increase Ipgsq+ though device design, it is necessary to
reduce the oxide thickness t,, and minimize Vp. For circuit design-
ers, the approach will be to increase the channel width W and use
higher gate voltage Vigg. The scaling of oxide thickness is limited
by tunneling leakage and oxide reliability, the threshold voltage Vi
is limited by the transistor leakage in the off state, and the max-
imum Vgg is limited by concerns over circuit power consumption
and device reliability.

The comparison between the gate characteristics for long channel and
short channel MOS transistors, as obtained from SPICE simulation results
is shown in Fig. 3.19(a) and Fig. 3.19(b) respectively. It is observed that the
long-channel drain current shows a quadratic dependence on the gate voltage
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beyond the threshold voltage. On the other hand, the short-channel drain cur-
rent shows a linear dependence. However, for low Vg, the short channel char-
acteristic shows a quadratic dependence, similar to that of the long-channel
characteristic. This demonstrates the concept just given above.

The concept of pinch off is applicable for long-channel MOS transistors
only where it suggests that drain current Ipg saturates when the inversion
charge becomes zero at the drain end of the channel. For scaled MOS tran-
sistors, the saturation of the drain current is explained by the fact that the
carrier velocity saturates to a limiting value vg,+ at the drain. Thus instead of
the pinch-off region, there is a velocity saturation region near the drain where
the inversion charge density Q,p(y) as given by (3.141) is a constant.

|
3.12 Weak Inversion Characteristics of a Scaled MOS
Transistor

The discussion made so far regarding the flow of drain current through a
MOS transistor is based on the fact that the transistor is operating in the
strong inversion region, where the applied gate-to-source voltage Vgg is as-
sumed to cause only changes in the channel/inversion charge and not in the
depletion-region charge. In addition to the normal region, i.e., the strong inver-
sion region, there is another region of operation for a MOS transistor, which is
referred to as the weak inversion region [192, 189]. In this region, the applied
Vas is less than the threshold voltage but high enough to create a depletion
region at the surface of the silicon. The weak inversion region is defined by the
condition ®p < 1ps < 20p [192]. In the weak inversion region, the inversion
charge is much less than the depletion charge and the drain current conduc-
tion is dominated by the diffusion current due to gradient in minority carrier
concentration. In the weak inversion region, the operation of an n-channel
MOS transistor is like an npn bipoloar transistor, where the source acts as
the emitter, substrate acts as the base and the drain acts as the collector
[189]. The weak inversion drain current is often alternatively referred to as
the subthreshold characteristics, especially in digital circuit design.

Let us assume that both the source and the substrate terminals are
grounded and applied drain bias Vpg > 0. Then increasing the gate-to-source
voltage Vgg increases the surface potential ¥s which in turn forward biases
the substrate-source (p-n) junction. From the basic theory of minority carrier
injection it follows that the minority carrier concentration (note that electrons
coming out from source are minority carriers in the substrate region) on each
side of a p-n junction varies with the applied bias because of the variations in
the diffusion of carriers across the junction. The minority carrier concentration
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in the substrate at the source side is given by [189)

np(0) = nyo exp (&) (3.148)

where ny is the equilibrium concentration of electrons (minority carriers) in
the substrate and Ur = kT'/q is the thermal voltage. Similarly the concentra-
tion of electrons in the substrate at the drain side is given by [189]

np(L) = npo exp (1/15 VDS) (3.149)
Ur

where Vpg is the applied drain bias. It is easy to understand the integra-

tion limits by considering Fig. 3.13 and the boundary conditions mentioned

therein. Due to the diffusion of electrons within the depletion region due to

concentration gradient, the weak inversion current flows. The electron density

per unit area at the source end is

Wiam 0
N'(0) = /O n,(0)dz = npo/w exp ((sz ) dips (3.150)

Since the potential distribution inside the depletion region is known, this elec-
tron density is evaluated to be [189)

N'(0) = Ur,/ 2(;;1' Tpo €XP <$T) (3.151)

The electron density at the drain end is lowered exponentially by the applied
drain bias and is given by

N'(L) = N'(0) exp (_VDS) (3.152)

The drain diffusion current due to electron density gradient is written as

dN' N'(0) — N'(L
Y L
= E U2 gesilVa (1 2ex E 1 —ex —@
7 UnUT 2 Na p Ur p Ur
(3.153)
D, n2
Here Einstein’s relationship — = Ur and ny,g = N_ have been used, where
Mn A

n; is the intrinsic carrier concentration.

In the weak inversion region, the depletion region exists in the substrate
underneath the interface. Under this condition, the MOS capacitor consists
of two capacitors in series: the oxide capacitor C,,; and the depletion layer
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Equivalent capacitance network in the weak inversion region.

capacitor Cyy, [192, 85]. This is as shown in Fig. 3.20. Therefore, a change
in the applied gate voltage Vs leads to a change in the surface potential
through the voltage divider between C,, and Cy,,. Therefore,

de OOCE 1

p— = — -1 4
dVas Cam +Cor 1 (8.154)

Cam
where n = 1+ =2 is the sub-threshold swing factor [85]. Tt may be noted

the sub-threshold Oszwing factor n should be equal to m, i.e., the body-effect
coefficient according to (3.9). However, in practice, the value of n is somewhat
larger than m [85]. The reason is that the value of the oxide capacitance is
smaller in the weak inversion region compared to that in the strong inversion
region. Nonetheless, n and m are very closely related and some authors use
m in place of n while dealing with the weak inversion region model.

Assuming that the surface potential varies linearly with the gate bias in
the weak inversion region, as shown in Fig. 3.21, just at the point where the
surface potential ¢; = 2@, it can be written that [194]

dy Py —20p 1

= == 3.155
dVGS VGS — VT n ( )

Substituting this in (3.153) and with proper simplifications we get [192]

|44 gesiNa o Vas — Vr Vbs
Ips = pp— U _— 1-— - 1
DS = [ [ Ny T €XP ( nUr ) [ exp ( Ur )} (3.156)

This is the final expression for the drain current that flows under the weak
inversion condition. This is sometimes alternatively written as [192]

w VGS - VT VDS
IDS = ‘Lanozf (TL — 1) Uf121 exp <W> |:1 — exp <—U—T):| (3157)
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3.12.1 Subthreshold Swing

The variation of the weak inversion drain current with the applied gate bias
is shown in Fig. 3.22. The parameter to quantify how sharply the transistor is
turned off by the applied gate voltage is referred to as the subthreshold swing
S (inverse of subthreshold slope). This is defined as the gate voltage change
required to induce a drain current change of one order of magnitude and is
expressed as [192, 189]

-1
S _ (d(lOglOID5)> :2'3nkT
dVgs q
kT Cam
= 23— (1
q ( * Ooz>
~ nx60mV (3.158)

The value comes out to be typically 70-100mV/decade. Therefore, Ipg drops
by 10 times for every n x 60mV. Therefore, if n = 1.5, Ipg drops by every
90mV.

An useful technique to measure the threshold voltage of a MOS transistor
is the constant current technique [85]. This is measured by the amount of gate-
to-source voltage corresponding to which the drain current flowing through
the transistor is 100nA x W/L. However, some designers may choose some
other values of the drain current, e.g., 70nA or 200nA. The sub-threshold
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Variation of weak inversion drain current with gate bias at Vpgs = Vpp.

current which flows at Vgg = 0 and Vpg = Vpp is referred to as the OFF
current. It is easy to derive that [85]

Iorr(nA) ~ 100.%10*VT/5 (3.159)

There are two possible ways to minimize Ippp. The first way is to increase
the threshold voltage V. But this is not viable, because this degrades the ON
current and hence the circuit speed. The second technique is to reduce the
sub-threshold swing S. This may be achieved either by reducing the oxide
thickness t,; or by increasing the depletion depth Wy,,. Another alternative
approach to reduce the sub-threshold swing is to operate the transistor at a
temperature much lower than the room temperature [192]. The variation of
the weak inversion drain current as obtained from SPICE simulation results
is shown in Fig. 3.23 and the corresponding parameters are summarized in
Table 3.2.

In the presence of significant interface-trap density D, the associate ca-
pacitance Cj; (= ¢?D;;) will act in parallel with the depletion layer capacitance
Cgm. With these considerations, the sub-threshold swing factor n is written



Modeling of Scaled MOS Transistor for VLSI Circuit Simulation 133
1E-4
1E-5

1E-6

1E-7

Logyg Ips (A)

1E-8

1E-9

1E-10

T T T T T T T T T T T T T T T T T T T T T T 1
00 01 02 03 04 05 06 07 08 09 10 11
Gate Voltage,V5g (V)

FIGURE 3.23
Variation of weak inversion drain current with gate bias for different drain
biases as obtained from SPICE simulation results.

TABLE 3.2

Summary of OFF Current and Subthreshold Swing as Obtained from SPICE
Simulation Results

Vbs | lorr S

0.1V [ 0.184nA | 94mV/dec
0.5V | 0.320nA | 96mV/dec
0.9V | 1.270nA | 101mV/dec

in BSIM compact model as [30]

n=1+ NFACTORCCdm + G ECDSC

(3.160)

The parameter NFACTOR is for compensating any error while calculating
the depletion width capacitance. The value of this parameter is close to unity.
The capacitance Cpgc is sensitive to the body bias as well as to the drain
bias which is incorporated in the model as follows [30].

0.5

Cpsc = (Cpsc +CpscpVps + CpscVas) T
cosh (DVTl.l—> -1

t (3.161)
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Schematic diagram of a MOS transistor in the velocity saturation region and
the Gaussian box for computing the spatial distribution of electric field.

3.13 Hot Carrier Effect

The supply voltage scaling has been historically slow because of the system
consideration and also the push for higher speed. Therefore, the electric field
does not remain constant, rather it increases with scaling of dimensions. The
electric field near the drain region causes impact ionization at a significant
rate. Under sufficiently high electric field, an electron in the conduction band
can gain sufficient energy to transfer an electron from the valence band to the
conduction band, thus generating one free electron in the conduction band
and one hole in the valence band. This is referred to as the impact ionization
process [192]. Impact ionization is the physical mechanism for the generation of
substrate current [192]. Therefore, it is essential to understand the electric field
and its spatial distribution in the channel region of a scaled MOS transistor.

3.13.1 Spatial Distribution of Lateral Electric Field

When the applied drain bias exceeds the drain-to-source saturation voltage
Vbssat, the carriers travel at their limiting velocity, i.e., the saturation velocity
vsqt through a portion of the channel region near the drain. This portion of
the channel region is referred to as the velocity saturation region. The distance
between the saturation point and the drain, AL (see Fig. 3.5.), is the amount
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of channel length modulation by the drain voltage. With increasing drain
voltage, AL increases so that the drain current continues to increase in the
saturation region.

Let us consider the cross sectional geometry in the velocity saturation
region near the drain end as shown in Fig. 3.24. The velocity saturation region
is defined by the boundaries ¥’ = 0 (saturation point) to ¥’ = AL (drain end)
and « = 0 (surface) to x = x; (drain junction depth). We consider a Gaussian
box ABCD that encloses a portion of the depletion region under the gate in
the velocity saturation region near the drain. Applying Gauss’s law, we have

or [V
vty W () W+ / Con () dyW = & (3.162)
€si Jo €354

where @ is the amount of charge enclosed in the Gaussian box and is given
by the sum of depletion charge and mobile charge

Q= (Na +n)qe;y W (3.163)
Differentiating (3.162) with respect to y’ and substituting (3.163) we get

dg(yl) €ox n 4
o T e Sou(y') = o (Na+mn) (3.164)

The oxide field &, at the interface is written as

_ Vas —Vrp —2®r — Veos(y')

tOI

Eox (3.165)

where Vog(y') is the quasi Fermi potential which increases from Vpgsar at
y' =0 to Vps at y = AL. Substituting (3.165) in (3.164), we obtain

de(y’ oz |Vas — Vrp — 2®5 — Vos(y'
. €(y/) n €oz [Vas — Vi F=Ves)l _ L i(Na+n)  (3.166)
dy €si tox €Si

At y' = 0, all the silicon charges are still controlled by the gate, so that we
have

Vas —Vip —2®F — Vpssat

— oy = 0) = eixj(NA +n)  (3.167)

tow o
From (3.166) and (3.167), we get
d /!
631“?7% = Cow [VCS(yI) - VDSsat] (3168)

This is written as Ay Vesly') — Vi ]
Y cS\Y ) — VDSsat

_ 3.169

o 2 (3.169)
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where the characteristic length I; is given by

= | Eitopr; ~ \/Blopt; (3.170)
€

ox

The characteristic length is same as that derived earlier while considering
the DIBL effect, with the minor difference that the depletion depth Wy, is
assumed to be of same depth as the junction depth z;.

(3.169) is a linear, second-order differential equation which can be solved with
the boundary conditions Vog(0) = Vpgsar and £(0) = Esqt to obtain

t

£(y') = &sar cosh (%) (3.171)

and

/
VCS(y/) = VDSsat + ltgsat sinh (ly_> (3172)
t

It may be noted &4 is as defined in (3.135) and is on the order of 5x 10V /cm
for electrons. The electric field is maximum at the drain end of the channel

Em = §(y/ = AL) = &sat cosh (%) (3173)

t

and

AL
VDS = VDSsat + ltgsat sinh <l_> (3174)
t

From these the length of the velocity saturation region is found to be

\% - Vi sa l m

AL =1l;In [{( bs = Vbssat) [le +§& } (3.175)

§sat

Therefore, the maximum electric field in the channel is written as
1/2

\% - Vi sa 2

& = |08 e 2 521 (3.176)
t

For higher drain voltage (Vbs — Vpssat)/lt >> &sar so that the maximum
electric field is approximated as
~ (VDS - VDSsat)

b ——— (3.177)
It

It is important to have some physical insight of the electric field distribution.

1. At the origin of the Gaussian box, 3’ = 0, Vps = Vbssat- Up to this
point, the gate has control over the mobile charges that are swept
from the source to the drain. From this point onward the carri-
ers travel with saturation velocity and start moving away from the
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surface. In order to maintain the continuity of the drain current,
the lateral electric field extending from the drain into the veloc-
ity saturation region increases by the same amount that the verti-
cal gate field decreases. In terms of Poisson’s equation, the charge
released by the decreasing vertical field must be taken by the in-
creasing lateral field. This is mathematically observed from (3.168).
The right-hand side represents the amount of charge released by
the vertical field due to the increase in quasi Fermi potential equal
to Ves(y') — Vbpssat- The left-hand side signifies the corresponding
increase of the lateral field gradient that supports this charge.

2. From (3.171) it is observed that the lateral field increases almost
exponentially toward the drain. This sharp increase is required to
support the charge release by the vertical field.

3.13.2 Substrate Current Due to Hot-Carrier Effects

Several serious problems of scaled MOS transistor are caused due to hot-
carrier effects. Even by considering the scaling of supply voltage, the electric
field in the velocity saturation region is strong enough (=~ 2—3x10*V/cm). The
carriers are described as “hot” and because of their high energies are capable of
physical effects that can degrade the MOS transistors. These highly energetic
electrons are referred to as hot electrons because if their kinetic energy is
expressed as kT, then T, becomes as high as 1000K, which is much higher
than the lattice temperature.

The hot electrons collide with the bound electrons in the valence band
to create impact ionization of silicon lattice atoms in scaled MOS transistors.
Due to the impact ionization process, electron-hole pairs are generated. Among
these pairs, the electrons are collected by the drain which increases the drain
current. On the other hand, the holes are pushed toward the source, which in
turn are directed toward the substrate due to the action of the vertical electric
field. This creates a parasitic substrate current Ig,;. It may be noted that this
mode of carrier generation can lead to an avalanche breakdown. Fortunately,
this does not happen because the generated holes move rapidly into a lower
field region. The substrate current generation due to impact ionization process
is schematically illustrated in Fig. 3.25. The critical parameter responsible for
hot carrier effects is the maximum electric field &,,. From (3.176), it is observed
that hot carrier effects are more significant at high drain voltage Vpg, short
channel length (because of small Vpgsat), thin oxide thickness ¢, and shallow
junction depth z;. The latter two result in lower value of the characteristic
length [;.

The probability that an electron will generate an electron-hole pair per
unit length by impact ionization process while traveling through the channel is
determined by the ionization coefficient cv;(y). This is a strong function of the
electron energy and consequently depends on the lateral electric field because
the energy necessary for an ionizing collision is imparted to the electron by
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Ilustration of substrate current due to hot carriers.

the field. The ionization coefficient is empirically given as

a;(y) = A;exp (—&> (3.178)
&y
where A; and B; are ionization parameters. The parameter B; is greater for
impact ionization for holes compared to that for electrons. This makes hole-
induced electron-hole pair generation less significant. Thus the substrate cur-
rent is given by

AL AL B
A IDS/ a;(y)dy = AZ—IDS/ exp < ¢ 1) dy (3.179)
0 0

y
This can be written as

e Bi ] o dy (1
four == /g Tpsdiexw [‘ay)] Sl <§) (3.180)

The exponential relationship between the lateral field &, and the lateral chan-
nel distance is given by (3.173) and approximating cosh (y/l;) by e¥/1) /2 we

d
have ¢2 (y)d—z ~ [;£. Evaluating the integral (3.180) at &, and taking it to be
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constant we have

Em )
o = st [ [ (Y

A; B; Em
= EltngDS eXp <—?) -
A; B;

With proper substitutions, the substrate current due to hot carrier effects is
given by

Ai lth
Toww = — (Vps — VDssat) L - 3.182
b (Vbs — Vpssat) IDs €xp ( Vs — VDssat) ( )

K3

This has been used widely to calculate the substrate current in scaled MOS
transistors. The following model for substrate current is used in BSIM compact
model

Bo

ap
ISU = ( _) V - V sa -3 <~
b oy + T (Vbs — VbDssat) €xp ( Vos —Vosos

) Ips (3.183)
where (B represents the product of B; and l; in (3.183), «; represents the
A;/B; term in (3.183) and /L is an empirical term to make the dependence
of Isyp on effective channel length L more accurate. The term «y may be set
to zero if the substrate current model gives correct scaleability without this
term.

The substrate current causes an IR potential drop in the substrate. This
leads to reverse body bias which causes the threshold voltage to drop. This
triggers a positive feedback effect which further enhances the drain current.
The substrate current induced body bias effect (SCBE) results in a current
increase which is much larger than I, itself.

3.13.3 Gate Current Due to Hot-Carrier Effects: Lucky Elec-
tron Model

According to the lucky electron model for gate current, the electrons gain
enough energy from the lateral field (without suffering any energy stripping
collision within the channel) to surmount the potential barrier at the oxide-
silicon interface and are then redirected toward the oxide-silicon interface by
acoustic phonon scattering. Subsequently the electrons are swept toward the
gate electrode by the aiding field in the oxide, provided that the gate is at a
higher potential than the surface potential [132]. The trajectory of the electron
in the energy diagram is shown in Fig. 3.26.

A “lucky electron” gains sufficient energy by traveling a long distance with-
out suffering a collision. If the electron travels a distance d without suffering
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Trajectory of lucky electron.

any energy stripping collision, it would possess sufficient energy to enter the
oxide region. The probability of this event is given by exp(—d/\,,) where A,
is the scattering mean free path of the hot electron, the dominant scattering
mechanism being the optical phonon scattering. For a hot electron to sur-
mount the silicon-oxide interface potential barrier of height g¢p, its kinetic
energy must be greater than q¢p. For simplicity, d is taken to be equal to be
(¢B/&y). Therefore, the probability that an electron acquires enough kinetic
energy to surmount the potential barrier is exp [—¢/({yAm)]. The probabil-
ity P of injection and collection of electrons is found to be a function of the
oxide field &,;. The gate current I is given by the product of three terms: (i)
number of carriers (represented by the drain current), (ii) the probability of
gaining energy, i.e., exp [—¢p/ (&, )] and (iil) probability P of injection and
collection. Integrating this over the channel we have

L
I = IDS/ exp <— ¢5 )P(on)dy (3.184)
0 EyAm
This is approximated as
_ ¢B
IG = OIDS exp —/\ 5 (3185)

where C is a constant ~ 2 x 1072 when Vgg > Vps.



Modeling of Scaled MOS Transistor for VLSI Circuit Simulation 141

It may be noted that there is no phenomenon like hot hole injection for
p-channel MOS transistors. This is because for p-channel MOS transistors the
barrier height for hole injection into the oxide is very large and the mean
free path for holes is also large compared to those for electrons. The gate
current in a p-channel MOS transistor arises from electron injection into the
oxide, with similar mechanism as that for an n-channel MOS transistor. For p-
channel MOS transistors, the electrons are generated by the impact ionization
process.

It has been found that the gate current is much smaller than the substrate
current and is largest when the gate voltage and the drain voltage are approx-
imately equal. The substrate current is larger and reaches maximum value at
lower gate voltage than does the gate current.

3.13.4 Reduction of Drain Field through LDD Structure.

The most straightforward way to reduce the maximum electric field in the
drain is to use low supply voltage. However, reduction of supply voltage means
lowering of applied gate voltage and consequently lowering of saturation drain
current Ipgsqt, circuit speed and degradation of the overall performances of
the system. Therefore, the alternative solution is to reduce the maximum
electric field &,, by designing the transistor structure such that the excess
drain voltage Vps — Vpsset is not dropped across the velocity saturation
region. This is achieved by fabricating a lightly doped (n~) buffer region
between the heavily doped drain and the channel. The resultant structure is
referred to as the lightly doped drain (LDD) structure and is shown in Fig.
3.7. The fabrication of LDD structure consists of (i) patterning and etching
of poly-silicon gate material, (ii) implantation of moderate amount of n-type
dopant to form the source and drain regions, using the edge of the polysilicon
to position one side of the implanted region, (iii) growing of an oxide sidewall
space to cover the n~! regions adjacent to the edges of the gate and finally
(iv) fabrication of heavily doped source and drain regions through normal
procedure. The lightly doped regions under the spacer are used to drop the
excess the drain voltage. The doping of the LDD region has to be done in a
controlled manner. If the doping is too low, the series resistance contributed
by this structure will be excessive which limits the circuit performances. On
the other hand, if the doping is too high, the purpose of adding the structure
will not be served.

3.14 Source-Drain Resistance Model

It follows from (3.123) that for minimizing the short-channel effect the
source/drain junction depth must be reduced. Therefore, additional process-



142 Nano-Scale CMOS Analog Circuits: Models and CAD Techniques

Poly-Gate
Metal contact
»
'—.¢
SDE
<—
n's —
RCO

RECC

Rsh /\/\/\/ Rchan
Rsp

FIGURE 3.27

Schematic illustration of the current flow in the source-drain extension and
source diffusion region leading to various parasitic components of the source
resistance.

ing steps are performed to produce the shallow source-drain junction exten-
sion (SDE) between the deep junction and the channel. This also reduces the
drain field as discussed in the previous section. The doping concentration in
the shallow source-drain extensions are kept much lower compared to the dop-
ing density in the deep source/drain. The combined effect of shallow junction
and light doping leads to an undesirable parasitic source-drain resistance. The
various components of the external resistance of a MOS transistor are shown
in Fig. 3.27. The physical origins of these components are as follows [1, 192].

1. The current flows through the inversion layer of the SDE overlap
region, leading to the component R,cc.

2. There are two possible paths for the current, one through the surface
of the SDE region and another through the bulk of the SDE region;
the latter path leads to a spreading resistance R,

3. The resistance R, due to the sheet resistance of the SDE extension
region where the current flows uniformly. The sheet resistance is
determined by the SDE doping concentration and SDE junction
depth.
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FIGURE 3.28
MOSFET representation including parasitic source and drain resistances.

4. The contact resistance R., between metal/silicide and the SDE re-
gion.

The equivalent parasitic resistance thus can be written as [1]

Racc X Rsp:|

3.186
Racc + Rsp ( )

Rs = (Rco + Rsh) + |:
The MOS transistor with parasitic resistances is represented in Fig. 3.28 where
S and D are the extrinsic terminals and S’ and D’ are the intrinsic terminals,
which are however, not accessible externally. This parasitic resistance critically
affects the performances of a MOS transistor. With the scaling down of channel
length, the parasitic resistance does not scale down proportionately.

3.14.1 Compact Modeling

The approach for the compact modeling of the parasitic source-drain resis-
tance as used by BSIM is as follows. In the linear region, the drain current in
the presence of the source-drain resistance is given by
Vbs
Ips = ————— 3.187
Rchan + Rds ( )
where Rgs = Rs + Ry is the total source-drain resistance and Repqy, iS the
channel resistance. The channel resistance is given by Rehan = Vbs/Ipso
where Ipgg is the drain current expression without considering the Ry, effect.
Therefore, the drain current in presence of Ry is given by

Ipso
Ipg = — 250 (3.188)
Rgsl
1 4+ Faslpso

Vbs
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The source-drain resistance Ry is expressed in terms of the effective channel
width Weyss as [30]

(3.189)

where R4, is a width independent component and Rgs,, is the resistance per
unit width. The effective channel width W,y is given by [30]

Weff = Warawn — 2AW = Warawn — 2 (AW/ + AWb) (3.190)

Here Wyrqwn is the channel width specified by the circuit designer during
the simulation procedure, AW} is the change of the channel width caused
by biases and AW’ is the change of width caused due to process technology
such as lithography, etc., and diffusion. A simple model of the bias dependent
channel width variation is given by [30]

AW, =AVas —Vr)=A [VGS — Vo — 7 (\/1/)5 —Vps — \/w_)] (3.191)

where A is a constant and + is the body-effect parameter. Substituting (3.190)
and (3.191) in (3.189), the drain-source resistance is given by

Rds’w

Wdrawn - 2AW’ —2A [VGS - VTO - (V 1/15 - VBS -V U)s)}
(3.192)
A more convenient form of (3.191) for circuit simulation purpose is given by

Rasw [1+A(Vas — Vi) = B (V¥s — Vas — V) |

W, If

Rds = RdsO +

Rds = RdSO +

(3.193)

where W/ 7y is the effective channel width without the bias dependence. A and
B are the two fitting parameters. This is the form used by BSIM3 compact
model, which is written as

_ Rdsw [1 + Prwe (Vas — Vr) + Prws (\/% —Vis — \/@)}
(106We'ff)w

Due to the parasitic drain-source resistance, the drain-to-source saturation
voltage Vpgsa: is enhanced. This is as follows [85]:

Ry, (3.194)

Vpssat = VDssato + IDSsat(Rs + Rd) (3195)

where Vpgsato 18 the Vpgeer in absence of R, and Ry.

3.14.2 Salicide Technology

The sheet resistance component, i.e., Ry, and the contact resistance com-
ponent R, are significantly reduced in advanced CMOS technologies with
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Self-aligned source/drain contact.

self-aligned silicide. The self-aligned silicide process is popularly coined as
“salicide”. The salicide process is described as follows [189]. After the gate
definition, a dielectric spacer is formed on the sides of the gate. The selected
metal layer for silicidation is deposited uniformly over the gate as well as over
the source/drain regions. Upon heating at temperatures (=~ 450°C'), the metal
reacts with the exposed silicon, while no reaction occurs where the metal is
over the dielectric. The unreacted metal is then removed by wet etching in a
solution that removes the metal, but not its silicide. A further heat treatment
is often done which converts the silicide to its low resistivity form while no
conducting material remains over the spacer regions. As shown schematically
in Fig. 3.29, a highly conductive (~ 2 —109/0) silicide film is formed over the
gate and the source-drain surfaces separated by a dielectric spacer. Examples
for silicides are CoSiy, NiSis, TiSiy and PtSi,.

For salicided transistors, the only significant contribution to R, is from
the nonsilicided region under the dielectric spacer.

3.15 Physical Model for Output Resistance

For analog circuit applications, the output resistance of a MOS transistor plays
a significant role in determining the intrinsic voltage gain of the transistor
[70]. For long-channel MOS transistors, the output resistance is governed by
the channel length modulation (CLM) phenomenon only. However, for scaled
MOS transistors, the output resistance depends on several other phenomenon
like DIBL and substrate current body effect (SCBE) [87]. For scaled MOS
transistors, the value of the output resistance is observed to be much lower
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compared to that of long-channel MOS transistors. Therefore, the intrinsic
voltage gain of a scaled MOS transistor is much lower compared to that of the
long-channel MOS transistor. The schematic illustration of the drain current
and output resistance variation of a MOS transistor is shown in Fig. 3.30 [30].
It is observed that the output resistance curve is divided into four regions,
each region being governed by a physical mechanism: (i) triode region, (ii)
channel length modulation region, (iii) drain induced barrier lowering region
and (iv) substrate current body effect region.

3.15.1 Compact Modeling

In general, it can be assumed that the drain current in the saturation region
is a weak function of the drain bias. Therefore, a first order Taylor series
expansion for the saturation region yields

0Ips(Vas, Vbs)

Ips(Vas,Vps) = Ips(Vas,Vpssat) + Vs (Vbs — Vbssat)
0Ips(Vas., V;
= IDSsat + M(VDS - VDSsat)
0Vps
Vbs — Vbssa
= IDSsat (1 + M) (3.196)
Va
Here
IDSsat = statcox (VGS - VT - aVDSsat) (3197)
dlps\
Va = Ipssat | =—— 3.198
A DSsat (3VD5> ( )

where V4 is called the Early voltage. V4 has three components, i.e., Vacrr,
Vaprpr and Vagscpg, corresponding to CLM, DIBL and SCBE respectively.
Each component is to be computed separately such that

1 1 1 1

— = + + 3.199
Va  Vacrm  Vapir  VascBe ( )

If channel length modulation is the only physical mechanism to be taken
into account, then the corresponding Early voltage is computed as

dIps OL \ ' aluil+ (Vas — Vi) (OAL\ "'
3L 8VD5) o aésat (8VD5)
(3.200)
where AL is the length of the velocity saturation region, as discussed ear-
lier. Substituting appropriate expressions and with little simplifications, the
following model is derived

agsatL + (VGS - VT)
agsatlt

Vacrim = Ipssat (

VacLm = (Vbs — Vbssat) (3.201)
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Simulation results showing the variation of output resistance.

BSIM introduces a fitting parameter Poy s to compensate for any error oc-
curring due to uncertainties in calculating ;. Therefore,

1 O‘gsatL + (VGS - VT)
PCLM O‘é-satlt

Vacom = (Vbs — Vbssat) (3.202)

The Early voltage for the DIBL effect may be calculated as

dlps OV )‘1 (3.203)

Vapier = Ipssat (W Vs

The analytical model becomes complicated and hence is not given here. Rather
it is suggested to compute the various values of the Early voltage from the
slope of the individual regions of the output resistance versus drain bias curve
and then combine the individual V4 values through (3.199). It may be noted
that with reduced supply voltage, the SCBE phenomenon is not that much
dominant. The primary cause for the degradation of output resistance in a
scaled MOS transistor is therefore the DIBL phenomenon apart from the
standard CLM phenomenon.

The variations of the output resistance with drain bias for different gate
biases are shown in Fig. 3.31. It is observed that the magnitude of the output
resistance is higher for low gate bias compared to that for high gate bias. This
is easy to justify because for low gate bias, the drain current is small compared
to that at high gate bias. The degradation of the output resistance is much
higher for low gate bias compared to that at high gate bias. This is illustrated
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Variation of output resistance with drain bias for Vgg = 0.4V and Vgg =
0.7V.



150 Nano-Scale CMOS Analog Circuits: Models and CAD Techniques

more clearly in Fig. 3.32(a) and Fig.3.32(b) respectively. This is because the
increase of the drain current flow due to the barrier lowering by drain bias is
higher for low gate bias, compared to that at the high gate bias.

3.16 Poly-Silicon Gate Depletion Effect

The conventional gate material that is used in the bulk CMOS technology
is poly-silicon. The primary advantage of using poly-silicon gate material is
compatibility with silicon processing and the capability to withstand the high
temperature anneal procedure that is required after self-aligned source/drain
implantation. Another significant factor is that the work function of the ma-
terial can be varied by doping it into n—type and p—type. On the other hand,
an important limitation of using poly-silicon as the gate material is the finite
gate depletion width at the oxide interface. This reduces the effective gate
capacitance and becomes more severe with thinner oxide. This is referred to
as the poly-silicon gate depletion effect [1, 85]. This is becoming significant
in nano-scale CMOS technology. In addition, the relatively high resistance of
the poly-silicon gate critically affects the high-frequency performances of the
transistor. The poly-depletion effect is illustrated in Fig. 3.33.

Suppose the doping concentration of the poly-silicon gate is N, the poten-
tial drop across depletion region is 1, and the thickness of the depletion region
in the poly-silicon gate is W,,. The thickness W, is related to the potential v,

+ /Np
Poly-gate depletion (width Wy,) | N~ G mll
OICICICIOICIOIOIC

Tox
S n' %'@@@@@ieeé\”* D

Inversion layer

B

Depletion in substrate (width Wy,)

FIGURE 3.33
Tllustration of poly-silicon gate depletion effect.
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through the standard depletion region model

[2€5:9p
W, =,/ —— 3.204
P qu ( )

The normal component of electric displacement is continuous across the in-
terface. This is written as

eozfoz - ESigp - quWp (3205)

where &, is the electric field in the gate oxide and &, is the electric field at the
poly-gate/oxide interface. Therefore, the poly-depletion width W), is written

as
€ox 5 ox €ox wom

W — _ 3.206
P7gN,  towqN, ( )

From (3.204) and (3.206), the potential drop in the oxide layer is written as

toqupr _ quWp V 2651'1/}qu;0 _

wom =

o o c Yo/ Up (3.207)

where

7V2qes’in (3.208)

Tp = Con
The potential balance equation is written as
Vas = Vi + Up + Vox + s (3.209)
From (3.207) and (3.209), the following quadratic equation can be derived

1
(Vas = Vip — s — 1p)° = =¥ =0 (3.210)

p

Solving the quadratic equation and taking the positive root, the effective gate
voltage is given by

2
Y, 4 (Vas — Vep — s
VGscff:VGS—lﬁp:VFB—i—ws-i-—p(\/1+ Vos = Vi w)—1>

2 o
(3.211)
Substituting the value of ,, the effective gate voltage is written as
qesit2, N, 2e2, Vas — Vg — 1s)
Vasers = Vi s+ —= 1 -1
Goels Bt 1/} * Egm * quitg;ENP
(3.212)

It may be noted that in the BSIM compact model, N, is denoted by NgaTr
and is considered as a model parameter [30]. The variations of effective gate
voltage relative to the applied gate voltage with oxide thickness as a parameter
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and the poly concentration as a parameter are shown in Fig. 3.34(a) and
3.34(Db) respectively. It is observed from Fig.3.34(a) that when ¢,, = 1.75nm,
the reduction of effective gate voltage can be as low as by 30%. In addition,
the effective gate voltage becomes much less than the applied gate voltage
when the poly concentration is low.

3.16.1 Electrical Oxide Thickness

The oxide thickness value which is used for all sort of calculations and simu-
lations is actually the electrical oxide thickness t,ze, which is somewhat dif-
ferent from the physical oxide thickness tosp. The difference in the two may
be attributed to two factors: (i) inversion-layer thickness and (ii) poly gate
depletion width [85].

The majority of the analytical models assume that the inversion layer is a
thin sheet of charge at the Si—SiOs interface. However, in reality the inversion
charge profile is determined by the solution of the Schrodinger equation and
Poisson equation. The average location or centroid of the inversion charge
below the Si—SiOs interface is called the inversion layer thickness. The effect of
the inversion layer thickness is that the oxide thickness is effectively increased
by tinv/3, where €g;/€or = 3 [85].

Because of the poly-gate depletion effect and inversion layer thickness, the
effective MOS capacitance in the strong inversion region thus becomes

-1
1 1 1 € €
C— — oz = (3.213

(Cox + C(poly * Cznu) tozp + Wp/3 + tznv/3 toxe ( )

where t,z¢ is the electrical oxide thickness. Typically ¢,z is larger than ..,
by 6 — 10A4°. In BSIM, this is taken care of by the terms TOX E, TOX P and
DTOX [30].

3.16.2 Reduction of Poly-Gate Depletion

The poly-depletion effect can be reduced by doping the poly-Si gate heavily.
This also reduces the gate resistance. However, too high doping sometimes
cause dopant penetration from the gate through the oxide into the substrate.
The poly-gate depletion effect is eliminated in the modern CMOS technology
through the use of metal gates.

3.17 Effective Channel Length and Width

The concept of effective channel length is for the analog IC designers to un-
derstand and is discussed in details below.
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FIGURE 3.34
Variation of effective gate voltage with applied gate voltage.
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FIGURE 3.35
Schematic illustrating the definitions of drawn channel length, gate length,
and effective channel length.

3.17.1 Effective Channel Length

There are altogether three types of channel length encountered in MOS tran-
sistor design and theory: (i) drawn channel length Lgqun, (ii) gate length
L¢ and (iii) effective channel length L. These are illustrated in Fig. 3.35. The
channel length that is specified by the designers for simulation is the same as
that considered while drawing the circuit layout. This is known as the drawn
channel length Lg.qun. This layout is transferred to a photomask. Therefore,
Lgrqwn is sometime denoted as Ly, qsk- After the photolithography and etching
process, the physical gate length of the transistor is known as the gate length
L¢. Depending on the lithography and etching biases, Ls can be either larger
or shorter than Lg.qqn. For the same Lgpqqn design, Lg may vary from chip
to chip, wafer to wafer and run to run. There is no simple way to measure Lg;
usually it is done through scanning electron microscope. Due to the overlap
between the SDE and the gate due to lateral diffusion, the effective channel
length of a MOS transistor is reduced from the value of Lg. The reduced chan-
nel length is referred to as the effective channel length L. All device analysis
and modeling is based upon the effective channel length L. For the designers,
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it is useful to know the difference between Lg,qwn and L. This is written as
L = Lgrquwn — AL (3.214)

where AL is assumed to be constant, independent of Lg.qun. All process
related issues as well as the lateral diffusion of the SDE regions are lumped
into AL. A very useful technique to determine the effective channel length L of
a MOS transistor is the channel resistance method, which is described below.
This technique is followed while extracting parameters for BSIM compact
models [192, 85].

3.17.1.1 Extraction of the Effective Channel Length

In absence of the source-drain series resistance, the channel resistance is de-
termined by the current flowing in the linear region and is given by

Vbs . L
IDS MnscomW (VGS - VT - aVDS/2)

Rehan = (3.215)

However, in the presence of the source-drain series resistance, the following
may be written

VDS Ldra'wn — AL
— =R s Rc an = R s
Ips ds 7 e as pnsCoeW (Vas — Vr — aVps /2)

(3.216)

Fig. 3.36 shows the variations of the measured Vps/Ips against Lgyquwn for
three MOS transistors with different drawn lengths, otherwise identical. The
drawn currents are measured at low Vpg and at least for two different overdrive
voltages. The two straight lines intersect at a point where Vps/Ipg is inde-
pendent of (Vs — V). According to (3.216), this happens when Lgyqun = AL
and Vps/Ips = Rgs. Once AL is known, L can be calculated from (3.214). It
may be noted that in this method, sometimes the Vpg/Ipg-vs-Lirquwn curves
may not intersect at a common point. Significant errors may result if only a
limited number of Vs — Vr are considered.

The effective channel length as used in the drain current of BSIM model
is given by [30]

L = Larquwn + XL —2dL (3.217)

Here the X L parameter accounts for the photolithography /etching effect and
dL is given by

LL Lw LWL
LIIN T JIWN T [LINy IWN

dL = LINT + (3.218)

Here LINT is extracted through channel resistance method discussed earlier.
The rest of the parameters in (3.218) are in most cases considered to be zero.
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FIGURE 3.36
Channel resistance method for extraction of R4 and AL.

3.18 Summary and Conclusion

This chapter provides a comprehensive overview of the physics-based model-
ing of various performances of the nano-scale MOS transistor. The importance
of compact device models for VLSI circuit simulation has been emphasized.
The commercial compact models that are used by SPICE simulation tools
are discussed. The BSIM compact model has been considered to be the refer-
ence for discussion. The theory of the long-channel MOS transistor has been
discussed in details since it provides the background for understanding the ad-
vanced theories for scaled MOS transistors. The various short channel effects
like threshold voltage roll off, and DIBL phenomenon have been discussed in
detail through physical concepts, mathematical modeling and exact SPICE
simulation results. The drain current model of scaled MOS transistors which
is very important for the VLSI designers to understand has been described in
detail. The weak inversion current model has also been discussed. The effects
of source-drain resistance on the drain current has been shown. The poly-
gate depletion effect has been mentioned, explaining its importance through
simulation results. This chapter therefore provides the essential background
materials for VLSI designers for circuit design purposes.
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Performance and Feasibility Model
Generation Using Learning-Based Approach

4.1 Introduction

Machine learning is a branch of artificial intelligence that deals with the con-
struction and study of systems that learn from data [77]. There are three
cases of machine learning: (i) supervised, (ii) unsupervised and (iii) reinforce-
ment learning. The problem of supervised learning involves learning a function
from examples of its inputs and outputs. The problem of unsupervised learn-
ing involves learning patterns in the input where no specific output values
are supplied. On the other hand, the reinforcement learning refers to the case
when the learning agent learns from reinforcement.

The present chapter deals with the problem of supervised learning only.
The two types of learning machines that have been considered in the present
chapter are (i) artificial neural network (ANN) and (ii) least squares support
vector machines (LS-SVM). In both the cases, the supervisor is the SPICE
simulator. The learning problems considered are (i) the function estimation
problem and (ii) the classification problem. The function estimation problem
is formulated for the construction of performance models and the classification
problem is formulated for the construction of feasibility models.

4.2 Requirement of Learning-Based Approaches

Before going into the details, it is necessary to understand why learning-based
approaches are preferred for construction of the performance and feasibility
models for nano-scale analog circuits. The conventional approaches for high-
level model generation are either SPICE simulation based or through analyti-
cal equations. The former leads to accurate models but is too time consuming
(CPU time) for large circuits. On the other hand, the analytical models are
developed using a mixture of simplified component theory, heuristic interpre-
tation and representation, and/or fitting of experimental data. These models
are fast to evaluate but are limited in terms of accuracy, especially in the
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nano-scale domain. In addition, sometimes it is also not possible to construct
analytical models for certain performance parameters and design constraints.
The learning-based approach is a new type of modeling approach where the
model is developed by learning from accurate data of any integrated circuit or
component. After training, the learning network becomes a fast and accurate
model representing the original behaviors.

4.3 Regression Problem for Performance Model Gener-
ation

The regression based performance model generation problem is formally stated
as follows: Given a set of m responses (or outputs) of interest, p1, 2, ..., pm
and a set of n input variables, ay, as, ...., ay, the objective is to determine a
set of simplified empirical formulae:

ﬁl = ’Pl(all,alg,....,aln)
[)2 = 732(042170122,....,05271)
[)3 = 733(043170132,.---,05377,)
[)m - ﬁn(am17 Am2y oeeey Oémn) (41)

In (4.1), P is the original function whose form is unknown and P is the
approximation of P, or in other words, the regression model of P. The more
closely P corresponds to P, the more accurate is the constructed regression
model. It may be noted that P is usually implemented through a numerical
SPICE simulation technique.

4.4 Some Related Works

A fairly complete survey of the related works is given in [160]. An analog per-
formance estimation (APE) tool for high-level synthesis of analog integrated
circuits is described in [136, 48]. It takes the design parameters (e.g., transistor
sizes, biasing) of an analog circuit as inputs and determines its performance
parameters (e.g., power consumption, thermal noise) along with anticipated
sizes of all the circuit elements. The estimator is fast to evaluate but the ac-
curacy of the estimated results with respect to real circuit-level simulation
results is not good. This is because the performance equations are based on
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simplified MOS models (SPICE level 1 equations). A power estimation model
for ADC using empirical formulae is described in [109]. Although this is fast,
the accuracy with respect to real simulation results under all conditions is off
by orders of magnitude. The technique for generation of posynomial equation-
based performance estimation models for analog circuits like opamps, multi-
stage amplifiers, switch capacitor filters, etc., is described in [78, 121]. An
important advantage of such a modeling approach is that the circuit sizing
and specification translation process can be formulated as a geometric pro-
gram, which is easy to solve through very fast techniques. However, there
are several limitations of this technique. The derivation of performance equa-
tions is often a manual process, based on simple MOS equations. In addition,
although many analog circuit characteristics can be cast in posynomial for-
mat, this is not true for all characteristics. For such characteristics, often an
approximate representation is used. An automatic procedure for generation
of posynomial models using fitting technique is described in [37, 116]. This
technique overcomes several limitations of the handcrafted posynomial mod-
eling techniques. The models are built from a set of data obtained through
SPICE simulations. Therefore, full accuracy of SPICE simulation is achieved
through such performance models. A neural network-based tool for automated
power and area estimation is described in [145]. Circuit simulation results are
used to train a neural network model, which is subsequently used as an es-
timator. Fairly recently, a support vector machine (SVM) has been used for
modeling of performance parameters for RF and analog circuits [150, 101, 47].
In [114], SVM-optimized by GA has been used to develop a soft fault diag-
nosis method for analog circuits. In [15], GA and SVM have been used in
conjunction with developing a feasibility model which is then used within
an evolutionary computation-based optimization framework for analog circuit
optimization. An artificial neural network has been used in [12] for deciding
the MOSFET channel length and width for analog integrated circuits. A tech-
nique for technology independent neural network modeling for fundamental
blocks of analog circuits has been discussed in [97]. ANN has been used in
[203] for modeling and design of a CMOS operational amplifier circuit.

Several approaches are available in literature for identification of the fea-
sible performance region for analog circuits. In [76], a nonlinear regression
technique is used to generate feasibility macromodels for analog circuits. [181]
presents two approaches for identifying the feasible performance region for
analog circuits. In one approach the normal boundary intersection method is
applied for computing the Pareto optimal front between a set of competing
performance requirements. In another approach, polytopal approximation of
the entire feasibility region is obtained using a linear model of the circuit per-
formances and the Fourier—Motzkin elimination principle. Identification of the
entire range of feasible performance values for analog circuits using support
vector machine principles is described in [16]. In [46], the feasible design space
is characterized hierarchically through directed interval based search space
profiling.
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4.5 Preliminaries on Artificial Neural Network

Artificial neural networks (ANNs) are information-processing systems that
emulate biological neural networks [77]. These networks are inspired by the
ability of the human brain to learn from observations and generalize by ab-
straction. ANNs gather their knowledge by detecting the patterns and re-
lationships in data and learn (or are trained) through experience, not from
programming. The procedure used to perform the task of learning is called the
learning algorithm. Generalization refers to the task of producing reasonable
outputs by the neural networks for inputs not encountered during learning.

4.5.1 Basic Components

A typical ANN structure has two types of basic components [77]: (i) process-
ing elements and (ii) interconnections between the processing elements. The
processing elements are called neurons and the interconnections between the
neurons are known as links or synapses. Each link has a weight associated
with it. Each neuron receives stimulus from the other neurons connected to it,
processes the information, and produces an output. The neurons are typically
arranged in layers. The input patterns are presented to the network via the
“input layer” which contains a set of neurons referred to as input neurons.
The input layer communicates to one or more “hidden layers” where the ac-
tual processing is done via a system of weighted connections. Each hidden
layer consists of a set of neurons referred to as hidden neurons. The hidden
layers then link to an “output layer” which finally transfers the output. The
output layer consists of a set of neurons referred to as output neurons. The
various components are shown in Fig. 4.1.

4.5.2 Mathematical Model of Neuron

A simple mathematical model for a neuron is shown in Fig. 4.2. A link from
the neuron j to the neuron ¢ propagates the input stimulus x; from j to i. Each
link has an associated numeric weight w; ;, which determines the strength and
sign of the connection. Each neuron first computes the weighted sum of the
various inputs and then adds a bias term b; (also called threshold) as follows
[77]

m; = ij,il'j +b; (4.2)
j=0

Then an activation function g is applied to this activation to derive the output
as follows

vi = g(ins) = g | Y wjaws +bi (4.3)
j=0
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FIGURE 4.1
Basic components of an ANN structure.

The most commonly used neuron activation function is the sigmoid function
given by [77]

) 1
Other functions that can also be used are the arc-tangent function, hyper-
bolic tangent functions, etc. These are all smooth switch functions that are
bounded, continuous, monotonic and continuously differentiable. Biologically
this corresponds to the firing of a neuron depending on whether the infor-
mation collected from the incoming signals exceeds a certain threshold value.
The input neurons use a relay activation function as there the main task is
to relay the inputs to the hidden layer neurons. The activation functions for
the output neurons are either logistic functions (e.g., sigmoid) or simple linear
functions that compute the weighted sum of the stimuli.

4.5.3 MLP Feed-Forward NN Structure

There are two main categories of neural network structures: acyclic or feed-
forward networks and cyclic or recurrent networks. In the feed-forward struc-
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FIGURE 4.2
Mathematical model of a neuron.

ture, the structure does not have any loop. The outputs of the structure are
functions of the current inputs. In the recurrent structure, the outputs are
fed back to the inputs. Therefore, the dynamics of the recurrent structure
may reach a stable state or exhibit oscillations or even chaotic behavior. This
chapter considers the feed-forward network only.

The multilayer perceptron (MLP) is a popularly used feed-forward neural
network structure. Typically the network consists of a set of source neurons
that constitute the input layer, one or more hidden layers of computation
neurons, and an output layer of output neurons. The input signal propagates
through the network in a forward direction, on a layer-by-layer basis. For
example, an MLP neural network with an input layer, one hidden layer, and
an output layer, is referred to as a three-layer MLP (or MLP3). A very simple
feed-forward NN structure with an input layer of two input neurons, two
hidden layers of three neurons in each and one output layer with two neurons
is shown in Fig. 4.1.

4.5.4 Feed-Forward Computation

In order to explain the principle of operation of a feed-forward MLP NN
structure, let us consider a simple NN structure with two inputs, one hidden
layer of two neurons and one output neuron as shown in Fig. 4.3. For simplicity,
the bias input has been neglected. Let the two inputs be z; and x5 and the
output be y. Thus the activations of the input neurons are a; = x; and
as = 2. The activations of the neuron n3 and n4 are a3 and a4 respectively.
The activation of the output neuron nb5 is as = y. This is given as

y = g(wssa3+wssaq)
= ¢ (w359 (w1321 + w2 3x2) + wasg (Wi,aT1 + w2 4%2)) (4.5)
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FIGURE 4.3
Simple MLP NN structure for illustration of the principle of feed forward
computation.

It is observed that the neural network output is a function of the inputs of
the network and the weights act as the parameters of the network function.
This is the feed-forward computation of the MLP NN structure.

4.5.5 Success of MLP NN Structures

The success of the use of MLP -NN structures for construction of regression
functions is attributed to the following reasons. The first is that these are uni-
versal approximators [80]. The universal approximation theorem states that
there always exists a three-layer MLP NN structure that approximates any
arbitrary nonlinear continuous multidimensional function to any desired ac-
curacy. This forms the theoretical basis for using the MLP NN structures to
approximate CMOS circuit behavior, which are multidimensional functions of
physical/geometric and electrical bias parameters.

The second reason is that these structures are better able to cope with the
curse of dimensionality problem. It has been shown that the NN structures can
avoid the curse of dimensionality problem in the sense that the approximation
error becomes independent of the dimension of the input space (under certain
conditions) which is not the case for polynomial approximators.
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4.5.6 Network Size and Layers

The accuracies of ANN structure depend upon the suitable number of hidden
neurons. The number of hidden neurons depends upon the degree of nonlin-
earity of the chosen functional relationship and the dimensions of the input
and the output design variable set. Approximating highly nonlinear relations
requires more neurons compared to that of simpler relations. However, the
universal approximation theorem does not specify anything about the size of
the network. Therefore, the precise number of hidden neurons required for a
given modeling task remains an open question. Most of the time this is fixed
through a trial and error process. Sometimes some adaptive algorithms may
also be used which dynamically add or delete neurons to reach a desirable
accuracy limit for the NN structure. In general, the MLPs with one or two
hidden layers (i.e., three- or four-layer MLPs) are commonly used in integrated
circuit applications.

4.6 Neural Network Model Development

The various steps involved in the process of neural network model develop-
ment are summarized in Fig. 4.4 [209]. The various steps are discussed in the
following sub-sections.

4.6.1 Formulation of Inputs and Outputs

The first task in the development of an NN model is the identification of
inputs (@) and outputs p. The output design variables are determined based
on the purpose of the NN model. For example, the voltage gain, bandwidth,
and phase margin of an operational amplifier circuit could be the possible
output design variables. The input design variables are the transistor sizes.
The selection of input model variables is critical. Only the significant design
variables should be considered as the model inputs. The input design variables
form a hyperspace, referred to as the sample space. Selection of the sample
points from a large sample space is very difficult. In addition, the complexity
of creating a model with reasonable accuracy accelerates with increase in the
number of input design variables. Design knowledge is to be used to reduce
the dimensions of the sample space, such as transistor matching.

4.6.2 Data Range and Sample Distribution

The next task in the data generation procedure is to define the range of data
and the distribution of & — p samples within that range. If the range of input
design variables, in which the constructed NN model is to be used is [@;, @],
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FIGURE 4.4
Steps for the development of NN model.
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then the sample data should be collected slightly beyond the model utilization
range, i.e., within [a; — A, &,, + A] in order to ensure the reliability of the NN
model at the boundaries of the model utilization range. Samples, which are
to be used for validation only are to be collected from the range [ay, a,].

Once the data range is fixed, samples need to be extracted within this
range. There are two approaches for the extraction of sample data: static
sampling and dynamic sampling [95]. The static sampling process remains
ignorant of how a sample will be used and applies some fixed criterion for
the sampling process. Once the sampling is completed, the generated dataset
corresponding to extracted samples is used to construct the ANN model. On
the other hand, in the dynamic sampling process, the sampling process is
controlled by a so-called learning machine, or learner. A static sampler does
not take into account the shape of the function under scrutiny, whereas a dy-
namic sampler strives to reduce modeling error through strategic placement of
sample points in the design space. The commonly used static sampling meth-
ods are uniform grid distribution, pseudo-random and quasi-random sampling
technique, nonuniform grid distribution, design of experiments (DOE) tech-
nique [19]. In the uniform distribution, samples for each input design variable
«; are collected at equal intervals. Suppose the number of grids along the input
dimension «; is n;. The total number of & — p samples is given by []_; n;.
Pseudo-random sampling is typically produced by pseudo-random number
generators which are available in all programming languages. The pseudo-
random number generator technique requires a seed, a number on which to
base all future generated numbers. Once the seed is chosen, the procedure for
the generation of numbers becomes deterministic. However, with change in
the seed value, the sequence becomes altogether different. The distribution of
numbers produced is usually uniform over the interval [0,1], although more
specialized generators are available for producing Gaussian, or normal distri-
butions. The sample points obtained through the pseudo-random technique
are often found to be clustered in localized areas within the sample space and a
small number of samples is distributed near the boundaries. The quasi-random
sample generation technique, on the other hand, produces samples that are
more uniformly distributed in the sample space; however, maintaining the ran-
dom nature. However, the quasi-random generators lack the concept of a seed
and will always produce the same sequence of numbers. An example of the
quasi-random number generation technique is the Halton sequence generation
technique [105].

In nonuniform grid distribution each input design variable is sampled at
unequal intervals. This type of sample distribution strategy is useful when the
circuit behavior is nonlinear in certain ranges of & space and dense sampling is
required in that specific region, e.g., the region near the cutin voltage in the dc
characteristics of a p-n junction diode. For certain problems, the sample data
generation procedure is an expensive one , e.g., sample data generation for
modeling any semiconductor fabrication processes. For such problems, DOE-
based sampling strategy has to be employed. A designed experiment is a series
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of tests in which purposeful changes are made to the input variables of a
process or system so that the causes of changes in the output response can be
observed and identified. The commonly used DOE strategies are 2™ factorial
experimental design, central composite experiment design, etc. [19].

4.6.3 Data Collection

For each input sample (transistor sizes) extracted through sampling strategy,
the chosen circuit topology of a component block is simulated using SPICE.
Appropriate BSIM model is to be used for simulation. For nano-scale technol-
ogy, BSIM4 is to be used. This ensures that all important deep sub-micron
effects of MOS transistors are considered while generating the dataset. De-
pending upon the selected input-output parameters of the NN model, it is
necessary to construct a set of test benches that would provide sufficient data
to facilitate automatic extraction of these parameters via postprocessing of
SPICE simulation output files. The commonly used SPICE simulations are
ac analysis, transient analysis, dc sweep etc. The voltages and currents at
the various nodes of the circuit are also measured. In many cases, constraints
are imposed upon the SPICE results to ensure that only feasible data are
considered for model construction.

For simplicity of the following theoretical discussion and notations, let us
assume that the MLP NN structure has only one output. Let the column vector
d represent a set of outputs from simulation/measurement corresponding to
the input vector &. With this the data collection process is defined as the use
of SPICE simulation to collect the sample pairs (@, dx), k = 1,2,....5 where
S is the total number of samples. The general guideline in collecting the total
number of samples is that for nonlinear high dimensional problems, large
numbers of samples are required and for relatively smooth low dimensional
problems, fewer samples are required.

4.6.4 Data Organization and Data Preprocessing

The total number of collected data samples {(a,dx),k = 1,2,...5} are di-
vided into three sets: the training dataset, the validation dataset and the
test dataset. The training data is used to train the NN structure. The NN
weight parameter values are updated based on the training data. The vali-
dation dataset is used to check the quality of the trained model during the
development procedure and to determine the stop criterion for the training
process. On the other hand, the test dataset is used to independently assess
the quality of the final constructed NN model in terms of accuracy and gen-
eralization capability. However, if the number of samples is small, then the
total number of samples may be divided into two sets. One set may be used
for the training and validation purpose and the other for the test purpose.
The orders of magnitude of various input and output values of integrated
circuit problems are usually very different from one another. As such, a system-
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atic preprocessing of construction data, referred to as data scaling, is required
before constructing the model [146]. The commonly suggested scaling schemes
are linear scaling, log scaling, and two-sided log scaling. The following formu-
lae are used for linear and logarithmic scaling of the output data within an
interval [0, 1]

dy, — Ib
Linear : d}, = 4.
inear T (4.6)
log (%
Logarithmic : d}, = &jg)) (4.7)
log ()

Here dy, is the unscaled k" data of any parameter bounded within the inter-
val [Ib, ub]. Linear scaling of data balances the ranges of different inputs or
outputs. Applying log scale to data with large variations balances large and
small magnitudes of the same parameter in different regions of the model.

4.6.5 Neural Network Training

A flow chart summarizing the steps involved in the neural network training
process is shown in Fig. 4.5. The neural network structure is selected first,
which for the present purposes will be a MLP structure. The weight parame-
ters are initialized. The widely used strategy is to initialize the weight param-
eters with small random values. During training the weights and the biases
of the network are iteratively adjusted to minimize the network performance
function. The training data consists of sample pairs {(ag, di), k = 1,2,.. T},
where T is the total number of training data. The network performance func-
tion is defined by the neural network training error as follows

T,

Er, (0) = %Z |y (@, @) — dye (4.8)
k=1

where dj, is the k" element of the column vector d and yr (@, w) is the Eth
element of the column vector § which is NN output for the input vector ag. It
may be noted that a single output NN structure has been considered for dis-
cussion. The various training algorithms use the gradient of the performance
function for adjusting the weights in order to minimize the network perfor-
mance. From the current values of the weight vector, the next weight vector
is calculated as

Wit+1 = wW; +nh (49)
where h denotes the direction in which the next weight vector is to be deter-
mined and 7 is a positive step size known as the learning rate. For example, if
the next weight vector is calculated along the negative direction of the network
performance, then @;11 = @; —n (0E7,/0®). The gradient is determined using
a technique called backpropagation, which involves performing computations
backwards through the network [77].
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FIGURE 4.5
Flow chart illustrating the ANN training procedure.
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There are two different ways in which this gradient descent algorithm can
be implemented: incremental mode and batch mode. In the incremental mode,
the gradient is computed and the weights are updated each time a training
sample (@, dy,) is presented to the network. In the batch mode all of the inputs
are applied to the network before the weights are updated. For batch training
the weights are only updated once in each epoch. The updating of the weight
vector continues if the error goal is met, or if the maximum number of epochs
is reached.

Apart from the backpropagation algorithm for computation of the gra-
dients, there are several other high-performance techniques used for neural
network training. These are classified into two broad categories: heuristic tech-
niques and standard numerical optimization techniques discussed in Chapter
2. In the conjugate gradient algorithms, a search is performed along the conju-
gate directions, which produces generally faster convergence than the steepest
descent directions. The Levenberg Marquardt algorithm is the most widel
used algorithm to train the neural network and is used in the MATLAB
toolbox.

4.6.6 Quality Measures

Statistical functions are generally used to assess the quality of the generated
NN model. The quality is evaluated with the independent test dataset. The
average relative error (ARE) function defined as follows is one such measure.

1
NTe

Te
ARE = Z |y (G, @) — dy (4.10)
k=1

Here Np. denotes the number of elements in the test dataset. Another com-
monly used measure is the correlation coefficient R. This is defined as follows:

Need yd =3y d (4.11)
Ve s - (o] [V s - (S

The correlation coefficient is a measure of how closely the NN outputs fit with
the target values. It is a number between 0 and 1. If there is no linear relation-
ship between the estimated values and the actual targets, then the correlation
coefficient is 0. If the number is equal to 1.0, then there is a perfect fit between
the targets and the outputs. Thus, the higher the correlation coefficient, the
better the model is.

R =

4.6.7 Generalization Ability, Overlearning, and
Underlearning

The ability of a neural network structure to estimate the output yi accurately
when the input set &y is presented to the network which has not been used



Performance € Feasibility Model Generation Using Learning-Based Approach 171

in the entire model development procedure is referred to as the generalization
ability. Good learning of a NN structure is achieved when both the valida-
tion error and the test error are small (e.g.,0.50%) and close to each other.
However, if it happens that the training error Er,. is small but the validation
error is By >> FErp,., the situation is referred to as the overlearning, i.e., the
NN structure memorizes well but the generalization ability is not good. The
possible remedies of overlearning are deletion of a certain number of hidden
neurons or addition of more samples to the training data. The network is
said to exhibit underlearning when in a certain epoch if the training error
does not satisfy the performance goal. i.e., Ep, >> 0. The possible remedies
are addition of more hidden neurons and perturbation of the current network
structure (i.e., for given weight and bias vectors) so as to escape from the trap
of local minimum, and then continuation of the training procedure.

]
4.7 Case Study 1: Performance Modeling of CMOS
Inverter

The basic circuit diagram of a CMOS inverter is shown in Fig 4.6. Let &
be the 3-dimensional input vector containing the circuit design variables, i.e.,
the channel width W, of the NMOS transistor M1, the channel width W),
of the PMOS transistor M2 and the output load capacitor Cr,. Let p be the
4 dimensional output vector containing the performance parameters of the
design, i.e., output rise time (7g) and fall time (7r), inverter switching point
(Vsp) and average power consumption P,,. Thus the inputs and outputs of
the performance model are written as follows

a = [W,, W, CL] (4.12)
(TR, TF, Vsp, Pav] (4.13)

]l
Il

The performance model is written as

5= f(@) (4.14)

This relationship between the circuit design variables and the performance
parameter is generally strongly nonlinear and multi-dimensional. The function
f is traditionally evaluated through SPICE simulation. The corresponding
neural network model is written as

ﬁz fANN(@,Q) (4.15)

where fanyn is the neural network, p is the output vector of neural model
responses, @ is the ANN input vector, @ contains all the weight parameters
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FIGURE 4.6
CMOS inverter.

required to construct the ANN structure. This case study describes the con-
struction fann such that it is a faithful approximation of the original function
[ [45].

In order to generate the training and test data, CMOS inverters are con-
structed corresponding to the circuit design variables listed in Table 4.1. The
channel lengths of both transistors are fixed at minimum of the process tech-
nology, i.e., 45nm. The other process technology parameters are taken from the
Berkeley Predictive Technology Model file [210]. Based on the Halton sequence
generator, uniformly distributed samples are generated within the specified
range. The training and test data corresponding to those sample points are
generated through SPICE simulation using the BSIM4 model. Transient anal-
ysis and DC transfer sweep analysis are performed in order to extract the

TABLE 4.1
Range of Circuit Design Parameters

Parameters | Min | Max
W, (nm) 90 | 1000
W, (nm) 90 | 1000
CL (pF) 1 )
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TABLE 4.2
MLP NN Architecture for Case Study 1
Parameters Optimized Values
Architecture Feed-forward MLP
Training Algorithm Levenberg—Marquardt
Hidden layers 2
neurons in the 15 hidden layer 18
neurons in the 2" hidden layer 12
Hidden layer transfer function Tan-sigmoid
Output layer transfer function Linear
Maximum epoch 1000

performance parameters. It is observed from Table 4.1 that the input vari-
ables vary over a wide range. Similarly the output performance parameters
vary over a wide range. Linear scaling of the data between 0 and 1 is used.
A set of 1000 samples has been considered in the present work. Out of these,
800 samples have been taken for training purposes and the rest are taken for
testing purposes.

The chosen ANN architecture is described in Table 4.2. The Levenberg—
Marquardt (LM) back propagation method has been used as the training
algorithm. The training goal is set to 10~7. The training algorithm of the
MATLAB toolbox has been used.

The neural network optimization technique is conducted for a maximum of
1000 iterations. However, after 725 epochs on an average the neural network
model has reached the desired training goal. The neuron numbers in the first
and second hidden layer are selected through the trial and error method. The
architecture is shown in Fig.4.7. An important issue to be considered for train-
ing is to set the training goal. With too high a value of the training goal, the
generalization error deteriorates, whereas for a low value, the model becomes
under-learned [77]. This is illustrated with numerical results in Fig.4.8.

The training dataset has been generated through two steps. In the first
step, using a Halton sequence generator, the input data are generated. The
total CPU time consumption for this process is ~ 0.5410s. In the second step,
using SPICE analysis, the output data are generated. The total CPU time
consumption for this process is ~ 364.34s Therefore, the time consumption
for generating the training data is ~ 364.881s. On the other hand, the training
time is found to be ~ 412s. The model construction time is the sum of data
generation time and training time. In the present work, this comes out to be
~ T77s. This timing information is based on a PC with Core-2-duo processor
and 2GB RAM.

Table 4.3 shows the average relative error (ARFE) and the correlation co-
efficient R. It is observed that very good accuracy in terms of both ARE and
R have been achieved. Figure 4.9(a), 4.9(b), 4.10(a) and 4.10(b) respectively
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FIGURE 4.7

MLP-NN architecture for Case Study 1.

show 7r, 7r, Vsp and P,, for 100 designs, obtained through ANN and SPICE
simulations. It is observed that all the ANN outputs show good matching
with SPICE results. The scatter plots between the ANN predicted results and
SPICE simulations are shown in Fig. 4.11(a), 4.11(b), 4.12(a) and 4.12(b). The
scatter plots are nearly perfect diagrams with unity correlation coefficients.
These demonstrate the accuracy of the constructed ANN model.

4.8 Case Study 2: Performance Modeling of Spiral
Inductor

An on-chip spiral inductor is an important passive device component in high-
frequency integrated circuit design. The most widely used type is the planar
spiral inductor [135, 208]. The square inductor is the commonly used planar
inductor because of its simple layout and fabrication process. The layout di-
agram of a square spiral inductor is shown in Fig. 4.13. The inductance and
other electrical characteristics of a monolithic spiral inductor are determined
by the following physical layout parameters (i) the outer diameter dyq:, (ii)
the number of turns n, (iii) the metal width W and (iv) the spacing between
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TABLE 4.3
ANN Model Accuracy for Case Study 1

Error | Output [ Type of Dataset

Training | Test
TR 1.02 0.57
E TF 1.17 1.67
Vsp 0.38 0.49
P, 0.42 0.27
TR 0.99999 | 0.9998
R TF 0.99998 | 0.99998
Vsp 0.99999 | 0.99998
P, 0.99999 | 0.99999

the metal traces s. The performance parameters of a spiral inductor are (i) the
inductance L, (ii) the quality factor @ and (iii) the self resonance frequency
SRF. The performance model is thus written as

a [dowr W n 5" (4.16)
p = [L Q SRF|" (4.17)
p = Pla) (4.18)

It may be noted that some other process controlled parameters such as the
thickness and resistivity of the metal layer, thickness of the oxide layer, sub-
strate resistivity and the number of metal layers also affect the performances
of a spiral inductor.

When the spiral inductor is used as a two-port device, the self inductance
of a spiral inductor is obtained as follows [135, 208]

1
Im (—)
- Y1

where f is the operating frequency. The quality factor @ of a device is defined
as the ratio of the amount of energy stored per cycle in a device to the amount
of energy dissipated per cycle. The electrical energy stored in the parasitic
capacitance of a real inductor is an energy loss. Therefore, the total energy
stored in an inductor is considered to be the difference between the average
stored magnetic energy and the average stored electrical energy. In terms of
impedance, the @ factor is calculated as follows [135, 208].

o 1
Re | —
(Y11>
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FIGURE 4.13
Layout diagram of an on-chip spiral square inductor.

where Y71 is the input impedance obtained from the measured 2-port S pa-
rameters of inductors. For on-chip spiral inductors, resonance occurs due to
the parasitic effects of the substrate and the distributed characteristics of the
metal layers. At the self resonance frequency, both the inductance and the Q
values are zero. The self resonance frequency is measured from the @ plot at
the frequency point where the @ value becomes zero.

This case study is based on the published literature [122]. The range of
the design variables are (i) 100 — 340um for the outer diameter dyy, (ii)
4 — 32um for the width W, (iii) 2 — 8 for the number of turns n and (iv)
1 — 5 pm for the spacing s. The samples are extracted following the uniform
grid distribution sampling strategy. A set of 500 realizable spiral inductors
are selected and the data are generated by electromagnetic simulation. The
input and the output data are normalized to the range [—1, +1] through linear
scaling. Out of 500 data, 80% are used for training and the rest are used for
testing. A standard feed forward MLP architecture is selected to model the
inductor performances for operating frequencies of 1GHz,2.5GH z and 3GH z.
The number of neurons in the hidden layers are taken to be 20 in both layers
to maintain the training error within an acceptable range (2 —5%). MATLAB
toolbox is used for training purpose. The training goal is considered to be
0.001.

Table 4.5 shows percentage average error and correlation coefficient of each
neural model output with respect to the EM simulated value. The average
relative errors of L, Q and SRF are found to be less than 5%. This indicates
reasonable accuracy of the trained neural network.
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TABLE 4.4
ANN Structure for Inductor Modeling Problem
ANN structure/ 4-20-20-3 4-20-20-3 4-20-20-3
Operating frequency 1 GHz 2.5 GHz 3 GHz
Training epochs 25 31 47
Time of each epoch (s) 1.67 1.72 1.83
TABLE 4.5
ANN Model Accuracy for the Inductor Modeling Problem
1GHz 2.5GHz 3GHz

Error | Output | Type of Dataset | Type of Dataset | Type of Dataset
Training | Test | Training | Test | Training | Test
L 3.81 3.73 4.44 3.81 3.50 2.23
E Q 1.88 2.16 0.87 0.73 1.05 0.98
SRF 2.32 1.77 1.46 1.32 1.39 1.55

4.9 Dynamic Adaptive Sampling

Several data mining algorithms, including ANN have an important property
that as the training set size increases, the accuracy increases until at some
point it saturates, i.e., as the training set size increases beyond a certain
value, the accuracy does not increase significantly [147]. A too-small training
set will result in sub-optimal generalization performance. On the other hand,
a too-large training set results in a lot of training time consumption without
any significant advantage. In addition, the procedure of training sample gener-
ation is often very costly, especially for integrated circuit design applications.
The task of determining an optimal training set size for acceptable accuracy
is therefore an important challenge for developing an ANN-based predictive
performance model.
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Hypothetical learning curve for ANN model.

4.9.1 Motivation of the Algorithm

The requirement of a dynamic sampling algorithm for construction of an ANN-
based performance model is based upon three observations. First, the predic-
tive performance/accuracy of the ANN increases initially with the increase of
training dataset size, however, beyond a certain dataset size, the accuracy does
not increase significantly. This is referred to as the learning characteristics of
an ANN algorithm [147]. The curve describing the performance as a function
of the sample size of the training data is often called the learning curve. A
typical plot of the learning curve of an ANN predictive model is shown in Fig.
4.14. Learning curves typically have a steeply rising portion early in the curve,
relatively gentle sloping in the middle portion of the curve and a plateau late
in the curve [147]. Tt is observed from this curve, that a model built with a
training set size lower than 7,5, has lower accuracy compared to that of a
model built with a training set size n.,;,. On the other hand, a model built
with training set size greater than n,,in, will not have any significant higher
accuracy compared to that of the model built with training set size Ny n. Sec-
ond, the computational cost of training an ANN model increases as a function
of the size of the training dataset. Third, the cost of training data generation
for circuit performance modeling is quite high.

4.9.2 Simple Dynamic Sampling Algorithms

The essential idea of the dynamic sampling algorithm is to start with an
initial sample size and then increase the sample size in a progressive manner
until the desired accuracy of the constructed ANN model is met. In a simple
dynamic sampling algorithm, the size of the sample set is increased through
arithmetic progression, i.e., {ng, ng + ns, no + 2ns, ....,no + k.ns }. Arithmetic
sampling has an obvious drawback. For a problem requiring a large number
of samples, i.e., for large n,;,, if the starting size is small, the algorithm
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requires a large number of iterations. An alternative sampling scheme is the
geometric sampling algorithm, where the size of the sample set is increased
through geometric progression. While this algorithm may give good results
for problems requiring large datasets, it often misses the n,,;, sample size
by overshooting. This requires careful selection of the common ratio in the
geometric progression series.

Simple progressive sampling algorithms do not generally address a dy-
namic, adaptive (that varies with the problem) approach to determine the
number of instances required at each iteration. This requires the formulation
of a dynamic adaptive sampling algorithm [166].

4.9.3 Dynamic Adaptive Sampling Algorithm

This sub-section presents a dynamic adaptive sampling algorithm using a
heuristic technique described in [44]. The algorithm takes as inputs: (i) The
maximum sample size Ny,q., corresponding to which the sample set may be
able to generate, (ii) a very small value ¢, which is used to formulate the
stopping criteria and (iii) the desired accuracy Y of the model. It gives as
output the minimum sample size n,,;, and the corresponding data sample
Dipin. The algorithm starts with an initial sample size ng = 0.1 X Npaq-
Corresponding to this, the initial data set Dy is generated through the Halton
sequence generator and SPICE simulation. Subsequently the next sample size
n(;+1) and the corresponding dataset D(;, 1) are generated through a heuristic
procedure. The algorithm terminates when a stopping criterion is satisfied. In
addition, if the optimum value cannot be located within n,,4., the algorithm
breaks. The pseudo code of the algorithm is described in Fig. 4.15.

4.9.3.1 Initial Sample Size

From the preliminary knowledge about learning curve characteristics, a useful
conjecture is to take a small initial sample size (determination of the starting
sample size is an open problem). It is heuristically assumed to be ng = 0.1 x

nmam N

4.9.3.2 Sampling Schedule

A “myopic” strategy has been adopted, where it is assumed that the current
performance measure of the ANN is the optimal one. The next sample size
is believed to be distributed somewhat around the current sample size. This
distribution is assumed to be Gaussian distribution. The mean of the Gaussian
distribution is kept at the current point and the variance is assigned so as
to have about 99.73% (equivalent to 3c) of the points in the given domain
(nop < 1y < Nynagz). The variance o is found by solving the equation

(nma;ﬂ - TLQ)

3 pu—
7 D

(4.21)
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Input: Nmay,,Y
Output: nyin corresponding data set Dpin

Step 1:
(@) Initialize Np=0.1X Nmax
(b) Generate initial data set Dy using Halton sequence and
SPICE simulator
(c) Initial performance u(-1)=0
Step 2:
For iteration i=0 10 imax dO
(@) Set T=D;
(b) Apply ANN to T and determine u(n))
(©) IF Ju(n)-u(niq)] se&&u(n) =Y
TERMINATE Return n; and D;
ELSE
Calculate njq
IF Ni+1 < Nmax
(i) Generate D+ data set using Halton sequence
and SPICE simulator
(i) Goto Step 2(a)
ELSE
Data set exhausted BREAK

FIGURE 4.15
Dynamic adaptive sampling algorithm.

With this variance, the next sample size is calculated by the formula
Niy1 = p+oN (4-22)

where mean p = n; and N is a random number drawn from a Gaussian
distribution with zero mean and unity standard deviation o.

4.9.3.3 Stopping Criteria

An important component of the sampling algorithm is the stopping crite-
ria. Let the current stage be i and the previous stage be (i — 1) and the
corresponding performance measures be u(n;) and u(n;_1) respectively. The
following inequality is considered as one of the stopping criteria,

[u(n;) —u(ni—1)| < e &&u(n;) <Y (4.23)
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TABLE 4.6

Comparison of the Total Number of Iterations and CPU Time Required for
the Two Dynamic Sampling Methods to Reach Convergence for the Inverter
Problem

Method Iteration Count | CPU time
Arithmetic Sampling 16 ~ 64dmin
This Algorithm 7 ~ 28min

TABLE 4.7
ANN Model Accuracy

Error | Output | ARE (%) Test data

TR 0.42

E TF 1.41
Vep 0.74
Psp 0.39
TR 0.9999

R TF 0.9998
Vsp 0.9999
Dap 0.9999

where € is a very small value, depending upon the chosen application. Simul-
taneously the desired accuracy of the model has to be satisfied. It may be
noted that the performance measure u(n;) is calculated based on the average
relative error F, as discussed in (4.10). In addition, if the algorithm does not
find the value of the optimal sample set within the given bound of the sample
size, the algorithm will terminate.

4.9.4 Demonstration with CMOS Inverter Problem

The algorithm is demonstrated for the CMOS inverter problem. The data gen-
eration procedure has been carried out using the standard progressive sam-
pling schemes as well as the present dynamic adaptive sampling algorithm.
The optimum sample size n,,;, is found to be equal to 828 as obtained from
the adaptive algorithm and 850 using the arithmetic progressive sampling
algorithm. Using the geometric sampling algorithm, the convergence could
not be achieved for the present problem. The arithmetic sampling technique
reaches the optimum point with more iterations compared to that required
for the present algorithm. A quantitative comparison between the algorithms
is provided in Table 4.6. The CPU time excludes the data generation time,
however, includes the training time. This timing information is based on a PC
with Core-2-duo processor and 2GB RAM.
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In order to verify the quality of the resultant ANN, the various quality met-
rics are measured. The percentage E and the correlation coefficients measured
on test data for all the outputs are summarized in Table 4.7. It is observed
that very good accuracy has been obtained in each case.

4.10 Introduction to Least Squares Support Vector
Machines

Support Vector Machines (SVM) were first proposed in the year 1995 to solve
machine learning problems [196]. Traditional neural network approaches have
suffered difficulties with generalization, producing models that can overfit the
data. These are consequences of the optimization algorithms used for param-
eter selection and the statistical measures used to select the “best” model.
SVM’s are based on the structural risk minimization (SRM) principle, which
has been shown to be superior [72] to the traditional empirical risk minimiza-
tion (ERM) principle employed by the conventional neural networks. SRM
minimizes an upper bound on the expected risk, as opposed to ERM that
minimizes the error on the training data. It is this difference which equips
SVM with a greater ability to generalize, which is the goal in statistical learn-
ing.

SVMs were originally developed to solve the classification problem, but
thereafter these have been extended to the domain of regression problems
[197]. In the literature, the terminologies for SVMs are slightly confusing. The
term SVM is typically used to describe classification with support vector meth-
ods and support vector regression is used to describe regression with support
vector methods. In this text the term SVM has referred to both classification
and regression methods, and the terms Support Vector Classification (SVC)
and Support Vector Regression (SVR) have been used for support vector ma-
chines based classification and regression respectively. A modified version of
SVM techniques, referred to as the least squares SVM (LS-SVM), had been
proposed by Suykens et al. [187]. LS-SVM technique simplifies the traditional
SVM technique to some extent. In this text, the LS-SVM technique has been
used. In the following sections least squares support vector regression and
classification are discussed in detail.

4.10.1 Least-Squares Support Vector Regression

Consider a given set of training samples {ay,ditr=1,2,. . n Where ay is the
input value, and dj is the output value of the k*"* sample. Let y; be the
corresponding target value for the k** sample. With a SVR, the relationship
between the input vector and the target vector is given as

y(a) =wT¢(a)+b (4.24)
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where ¢ is the mapping of vector @ to some (probably high-dimensional)
feature space, b is the bias and @ is the weight vector of the same dimension
as the feature space. The mapping ¢(@) is generally nonlinear which makes it
possible to approximate nonlinear functions. The approximation error for the
k" sample is defined as

ep = dk(@k) — y(@k) (425)

For a given data, the weights which give the smallest summed quadratic error
of the training samples are determined. Since this can easily lead to overfit-
ting, ridge regression (a form of regression) technique is used to smooth the
approximation. The minimization of the error together with the regression is
given as

, I PSR B
min J(@,e) = EwTw + 75 ; er (4.26)
with equality constraint
dpy =T é(ar) +b+ep, k=1,2,..,n (4.27)

where ~ is the regularization parameter. The first term of the cost function
(4.26) is a so-called Lo norm on the regression weights. The second term takes
into account the regression error for all the samples.

The optimization problem (4.26) is considered to be a constrained op-
timization problem and a Lagrange function is used to solve it. Instead of
minimizing the primary objective (4.26), a dual objective, the so-called La-
grangian, is formed, of which the saddle point is the optimum. The Lagrangian
for this problem is given as

L@ bea)=J@e) — Y (@ d(ar) +b+ ek —dy) (4.28)
k=1

where \is’ are called the Lagrangian multipliers. The saddle point is found
by setting the derivatives equal to zero:

oL } Z" _
% = 0—=2w= 2 Ak(b(ak) (429)
oL -
k=1
oL
oL T
— = 0—>w (b(ak)—l—b—i—ek—dk:() (4.32)
OXg

By eliminating e; and @ through substitution, the final model is expressed
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as a weighted linear combination of the inner product between the training
points and a new test object. The output is given as

y(@) = (@ ¢(a) (4.33)
- <2Ak¢(@k),¢(a)>+b (4.34)
k=1

I
[
>
Ea

(¢(ar), ¢(a)) +b (4.35)

el
Il
—

I
NE

MK (ag, @) + b (4.36)

b
Il

1

where K (ay, @) is the kernel function. The elegance of using the kernel func-
tion lies in the fact that one can deal with feature spaces of arbitrary dimen-
sionality without having to compute the map ¢(@) explicitly. Any function
that satisfies Mercer’s condition [187] can be used as the kernel function. The
Gaussian kernel function defined as

K(ag, a) = exp (— [lax — | [*/0?) (4.37)

is commonly used, where o2 denotes the kernel bandwidth.

The two hyperparameters, namely the regularization parameter v and the
kernel bandwidth o2, have to be tuned by the model developers. These can be
optimized by the use of the Vapnik—Chervonenkis bound, k-fold cross valida-
tion technique or Bayesian learning. In this text, these have been determined
through a grid-search-based technique and a GA-based technique.

The implementation of the entire LS-SVR technique is available in a MAT-
LAB toolbox Issumlab [186] developed by the authors of [187]. This has been
extensively utilized in the case studies discussed in this text.

4.10.2 Least-Squares Support Vector Classification

The classification problem is restricted to the consideration of the two-class
problem without any loss of generality. In this problem, the goal is to separate
two classes of data by a function which is induced from available examples.
The goal is to produce a classifier that will work well on unseen examples,
i.e., it generalizes well. The general technique deals with a set of training data
{ar} = {a1,ag, ..., &} C R? and their corresponding levels {d;} C {—1,1}.
The problem is to find a decision function f : ®* — {—1,1} that predicts
the label of new, previously unseen data points to minimize the probability of
misclassification.

We consider each of n sample points ap € RP,k = 1,2,...,n to be associ-
ated with a label dj, € {—1, 41} which classifies the data into one of the two
sets. In the simplest SVM formalism where the training data points are lin-
early separable, the problem is tackled by constructing a hyper-pane @7 @y, +b.
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FIGURE 4.16

Classification problem for linearly separable dataset.

The points close to the hyperplane satisfy ‘@Tdk + b‘ = 1. Thus the margin
which provides “maximal separation” between points &y, belonging to the two
classes is 2/||wl||?. The situation is illustrated in Fig. 4.16. The linear classifier
is

y(a) = sign [@T& +b] (4.38)

When the data of the two classes are separable, it can be written that
wlag+b > +1, if yp=1 (4.39)
olap+b < -1, if yp=-1 (4.40)

These two sets of inequalities are combined into one single set as follows
ye [@Tap+b) >1, k=1,..n (4.41)

In order to correctly classify the training data points, the margin of separation
should be maximized.

The following modification to the original SVM is proposed by Suykens in
the LS-SVC formulation. The optimization problem is formulated as

1 1o
J(w,e) = 55T0+7§Ze§
k=1

such that yy [wTdk + b] = l—e, k=1,2,..mn (4.42)
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The constraints are formulated so that the nearest points @i with labels
+1, —1 are at least 1/||w||? distant from the separating hyper-plane. The prob-
lem is solved through the Lagrange multiplier technique.

In order to extend the linear method to nonlinear SVM classifiers, the
input dataset is replaced by a nonlinear function ¢(a@) operating on the input
data. This can be thought of as mapping the input data to a higher (possibly
infinite) dimensional space, to enable linear separation of data which is not
possible in the original input space (see Fig. 4.17 for illustration). With this
the classifier becomes

y(a) = sign [0” ¢(a) + b] (4.43)

With this the Lagrangian of the problem becomes
L(@,b,e;\) = T(w,€) — Z Me{ye [0 d(aw) +b] — 1 +ex} (4.44)
k=1

where the )\ values are the Lagrange multipliers, which can be positive or
negative due to the equality constraints. The conditions for optimality are
(’“)E_O 85_0 oc oc
8&) o 81) o 36k a 8/\k a
Following similar techniques as employed in LS-SVR construction, the final
LS-SVC is given by

0 (4.45)

y(x) = sign | > eynK (@, ax) + b (4.46)
k=1

where K (@, ay) is the kernel function.

4.10.2.1 Classifier Accuracy

For evaluating the performances of the SVM classifiers, a set of test samples
is identified and three quality metrics, viz., sensitivity (Sen), specificity (Sp)
and accuracy (Acc) are measured. These are defined as follows:

Let I denote the entire design space, D be the feasible design space, and
D’ be the approximated feasible design space. Thus I is divided by D and D’
into four subspaces: T'P of true positives, TN of true negatives, F' P of false
positives, and F'N of false negatives. This is shown in Fig. 4.18. Sensitivity
(Sen) is defined as the percentage of true positives relative to all the positive
instances.

TP
|TP|+ |FN|
Specificity (Sp) is defined as the percentage of true negatives relative to all
the negative instances.

Sen = (4.47)

[TN|

= A 148
P=ITN T |FP] (4.48)
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FIGURE 4.17
Mapping of the input space to a high dimensional feature space where linear
separation of nonseparable data is possible.

Accuracy (Acc) is defined as the percentage of correctly classified instances in

the dataset.
B |TP|+|TN|

]

For a good classifier, these values ideally should be equal to unity.

Ace (4.49)

4.10.3 Choice of Kernel Functions and Hyperparameter
Tuning

The use of a kernel function allows the SVM representation to be indepen-
dent of the dimensionality of the input space. The first step of construction
of an LS-SVM model is the selection of an appropriate kernel function. For
the choice of kernel function K (&g, &), there are several alternatives. Some of
the commonly used functions are listed in Table 4.8, where d, o, k and 8 are
constants, referred to as hyperparameters. In general, in any classification or
regression problem, if the hyperparameters of the model are not well selected,
the predicted results will not be good enough. Optimum values for these pa-
rameters therefore need to be determined through proper tuning methods.
Note that the Mercer condition holds for all o and d values in the radial basis
function (RBF) and the polynomial case, but not for all possible choices of k
and 6 in the multi-layer perceptron (MLP) case. Therefore, the MLP kernel
will not be considered.
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FIGURE 4.18
Feasible design space and its subspaces.

TABLE 4.8

List of Kernel Functions
Name Function Expression
Linear Kernel K(ay,a)=ala
Polynomial Kernel K (ay, @) = (1 + d;{d)d
RBF Kernel K (ag, a) = exp { ool
MLP Kernel K (ay, @) = tanh (kai a +0)

As mentioned earlier, when designing an effective LS-SVM model, the hy-
perparameter values have to be chosen carefully. The regularization parame-
ter v, determines the trade-off cost between minimizing the training error and
minimizing the model error. The kernel parameter o or d defines the nonlinear
mapping from the input space to some high dimensional feature space [53].

Optimal values of the hyperparameters are usually determined by minimiz-
ing the estimated generalization error. The generalization error is a function
that measures the generalization ability of the constructed models, i.e., the
ability to predict correctly the performance of an unknown sample. The two
commonly used techniques for estimating the generalization error are [53]:

1. Hold-out method: This is a simple technique for estimating the gen-
eralization error. The dataset is separated into two sets, called the
training set and the test set. The SVM is constructed using the
training set only. Then it is tested using the test dataset. The test
data are completely unknown to the estimator. The mean test error
which is computed by considering the errors over all test samples is
used to evaluate the model. This method is very fast. However, its
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evaluation can have a high variance. The evaluation depends heav-
ily on the data points that end up in the training set and on those
which end up in the test set. Consequently the evaluation may be
significantly different depending on how the division is made.

2. k-fold cross validation method: In this method, the training data
is randomly split into & mutually exclusive subsets (the folds) of
approximately equal size [53]. The SVM is constructed using k — 1
of the subsets and then tested on the subset left out. This procedure
is repeated k times. An estimation of the expected generalization
error is obtained by averaging the test error over the k trials. The
advantage of this method is that the accuracy of the constructed
SVM does not depend upon the division of data. The variance of
the resulting estimate is reduced as k is increased. The disadvantage
of this method is that it is time consuming.

Primarily there are three different approaches for optimal determination
of the SVM hyperparameters: the heuristic method, the local search method
and the global search method. The o value is related to the distance between
training points and the smoothness of the interpolation of the model. A heuris-
tic rule has been discussed in [158] for estimating the o value as [Gumin, Omaz]
where 0, is the minimum distance (non-zero) between two training points
and Opq, is the maximum distance between two training points. The reg-
ularization parameter «y is determined based upon the trade-off between the
smoothness of the model and its accuracy. The bigger its value the more impor-
tance is given to the error of the model in the minimization process. Choosing a
low value is not suggested while using exponential RBF to model performances
which are often approximately linear or weakly quadratic in most input vari-
ables. While constructing a LS-SVM-based analog performance model, the
heuristic method has been applied for determining the hyperparameters in
[101]. The hyperparameters generated through the heuristic method are often
found to be sub-optimal as demonstrated in [141]. Therefore, determination
of hyperparameters through formal optimization procedure is suggested [53].

The present text discusses two algorithmic techniques for selecting optimal
values of the model hyperparameters. The first one is a grid search technique
and the other one is a genetic algorithm-based technique. These are explained
below considering the RBF as the kernel function. For other kernels, the tech-
niques are accordingly used.

4.10.3.1 Grid Search Technique

In the grid search technique, pairs of (7, 02) are tried and the one with the
best accuracy is chosen. The basic steps of the grid search-based technique is
outlined below [187, 140]:

1. Consider a grid space of (vy,0?), defined by log, v € {lb,, ub,} and



Performance € Feasibility Model Generation Using Learning-Based Approach 195

Initialization of parameters
(chromosomes)

A

Train LS-SVM

A

Calculate fitness of each
candidate solutions

A 4

Selection

A 4

Create offspring
(crossover, mutation)

Obtain optimal parameters

FIGURE 4.19
Outline of GA-based hyperparameter selection procedure.

logy, 02 € {lby2,uby2}, where [lby,ub,y] and [lb,2,uby,2] define the
boundary of the grid space.

2. For each pair within the grid space, estimate the generalization error
through the hold-out/k-fold cross validation technique.

Choose the pair that leads to the lowest error.

Use the best parameter to create the SVM model as a predictor.



196 Nano-Scale CMOS Analog Circuits: Models and CAD Techniques

The grid search technique is simple. However, this is computationally ex-
pensive, since this is an exhaustive search technique. The accuracy and time
cost of the grid method are trade-offs depending on the grid density. In gen-
eral, with the increase in grid density, the computational process becomes
expensive. On the other hand, sparse density lowers the accuracy. The grid
search technique is therefore performed in two stages. In the first stage, a
coarse grid search is performed. After identifying a better region on the grid,
a finer grid search on that region is conducted in the second stage. In addition,
the grid search process is a tricky task since a suitable sampling step varies
from kernel to kernel and the grid interval may not be easy to locate without
prior knowledge of the problem. These parameters are determined through a
trial and error method.

4.10.3.2 Genetic Algorithm-Based Technique

In order to reduce the computational time required to determine the optimal
hyperparameter values without sacrificing the accuracy, numerical gradient-
based optimization technique can be used. However, it has been found that
often the SVM model selection criteria have multiple local optima with re-
spect to the hyperparameter values [197]. In such cases, the gradient-based
method have chances to be trapped in bad local optima. Considering this fact,
any heuristic global optimization technique is preferred for determining the
hyperparameter values. The present text discusses a genetic algorithm based
technique [140].

In the GA-based technique, the task of selection of the hyperparameters is
the same as an optima searching task, and each point in the search space repre-
sents one feasible solution (specific hyperparameters). Each feasible solution is
marked by its estimated generalization ability, and the determination of a so-
lution is equal to the determination of some extreme point in the search space.

An outline of a simple GA-based process is shown in Fig. 4.19. The chro-
mosomes consist of two parts, log, v and log, o2. The encoding of the hyperpa-
rameters into a chromosome is a key issue. A real-coded scheme is used as the
representation of the parameters in this work. Therefore, the solution space co-
incides with the chromosome space. In order to produce the initial population,
the initial values of the designed parameters are distributed in the solution
space evenly. The selection of population size is one of the factors that affects
the performance of GA. The GA evaluation duration is proportional to the
population size. If the population size is too large, a prohibitive amount of
time for optimization will be required. On the other hand, if the population
size is too small, the GA can prematurely converge to a sub-optimal solution,
thereby reducing the final solution quality. There is no generally accepted
theory for determining optimal population size. Usually, it is determined by
experimentation or experience.

During the evolutionary process of GA, a model is trained with the cur-
rent hyperparameter values. The hold-out method as well as the k-fold cross
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validation method are used for estimating the generalization error. The fitness
function is an important factor for estimation and evolution of SVMs provid-
ing satisfactory and stable results. The fitness function expresses the users’
objective and favors SVMs with satisfactory generalization ability. The fitness
of the chromosomes in the present work is determined by the average relative
error (ARE) calculated over the test samples. The fitness function is defined

as
1

~ ARE(v,0?)

Thus, maximizing the fitness value corresponds to minimizing the predicted
error. The ARE function is as defined in (4.10). The fitness of each chromo-
some is taken to be the average of five repetitions. This reduces the stochastic
variability of the model training process in GA-based LS-SVM.

The genetic operator includes the three basic operators such as selection,
crossover, and mutation. The roulette wheel selection technique is used for the
selection operation. The probability p; of selecting the i*" solution is given by

F (4.50)

F;
Npop
>t

where Npop is the size of the population. Besides, in order to keep the best
chromosome in every generation, the idea of elitism is adopted. The use of a
pair of real-parameter decision variable vectors to create a new pair of offspring
vectors is done by the crossover operator. For two parent solutions Z; and T,
the offspring is determined through a blend crossover operator[41]. For two
parent solutions &1 and Zs, such that Z; < Zs, the blend crossover operator
(BLX-3) randomly picks a solution in the range [Z1— (T2 —Z1), T2+ 5(T2—T1).
Thus, if u be a random number in the range (0,1) and § = (14 28)u — §, then
the following is an offspring

pi = (4.51)

" = (1 —0z1) + 02 (4.52)

If 3 is zero, this crossover creates a random solution in the range (Z1, T2). It has
been reported for a number of test cases that BLX-0.5 (with 8 = 0.5) performs
better than BLX operators with any other § value. The mutation operator is
used with a low probability to alter the solutions locally to hopefully create
better solutions. The need for mutation is to maintain a good diversity of the
population. The normally distributed mutation operator is used in this work.
A zero mean Gaussian probability distribution with standard deviation n; for
the it" solution is used. The new solution is given as

" =x; + N(0,m;) (4.53)

The parameter 7; is user-defined and dependent upon the problem. Also, it
must be ensured that the new solution lies within the specified upper and lower
limits. When the difference between the estimated error of the child population
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n-Channel simple current mirror circuit.

and that of the parent population is less than a pre-defined threshold over cer-
tain fixed generations, the whole process is terminated and the corresponding
hyperparameter pair is taken as the output.

It may be mentioned here that there is no fixed method for defining the GA
parameters, which are all empirical in nature. However, the optimality of the
hyperparameter values is dependent upon the values of the GA parameters.
The values of the GA parameters are selected primarily by the trial and error
method over several runs.

4.11 Feasible Design Space and Feasibility Model

The task of identification of the feasible design space is an important task
in the circuit sizing process. The circuit sizing process using numerical opti-
mization techniques often generate pathological results. This means that the
design on the one hand meets all specifications but on the other hand fails
some basic design requirements, leading to a malfunctioning circuit. This sit-
uation arises due to lack of restricting the design space exploration process
within a feasible design space. The experienced IC designers deal with the case
of pathological circuit sizing by manually constraining the circuit to ensure
proper biasing and good behavior of performance metrics. In addition, this
also requires good understanding of the physics of the MOS transistors. The
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methodology which is employed to automatically constrain a circuit in order
to ensure proper operation is called the sizing rules [68].

A feasible design space is defined as a multidimensional space in which ev-
ery design satisfies a set of feasible design constraints. These design constraints
are classified into three categories [47]:

1. Geometry Constraints Cy: The geometry constraints are applied
directly on the component sizes, such as the transistor dimensions,
values of the resistors and capacitors. The constraints on the de-
vice sizes are usually given in the form of lower bounds and upper
bounds. The lower bounds are generally determined by the feature
size of a technology. The upper bounds, on the other hand, are
selected by the designer such that the devices are not excessively
large. The geometry constraints are specified in the form

Cy={fi(a) <0 i=1,2,.n,} (4.54)

2. Functional Constraints Cy: These constraints are used to ensure
the correct functionality of the circuits. These are applied on the
current-voltage relationships of the circuit based on the physics of
the MOS transistors and are given in analytic form. The function-
ality constraints are specified in the form

Cr={fi(v,;i)<0 i=1,2 ..ns} (4.55)

This is explained with an example of a current mirror circuit as
shown in Fig. 4.20. The working of the current mirror circuit is based
on the principle that if the gate-source voltages of two identical
MOS transistors are equal, the channel currents should be equal
[5]. The current I; is defined by some current source and Ip is
the output or the mirrored current. Since the drain and the gate
terminals of the transistor M; are shorted, this transistor remains
in the saturation region. The transistor M> must also remain in
saturation, the condition for which is Vpgs > Vigga — Vo, Assuming
that the transistors are identical, it can be written that

Io LWy 1+ )\VDS2>
v _ 4.56
Iy (Wle) (1+)\VD51 (4.56)

where Wi, L are the widths and lengths of the transistor M,
Wy, Lo are the widths and lengths of the transistor Ms. It needs
to be assumed that Vpgi = Vpge so that Io/I; becomes a func-
tion of the aspect ratio which is under the control of the designer
[5]. Based on this concept, the functional constraints are listed as
follows

e Strong inversion of M7 and Ms: Vgs1 > Vi and Vgge > Vi
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e Saturation of Ms: Vpgas > Vage — Vi

e Equal aspect ratio for current mirror: Ly = Lo, W7 = Wh
(belongs to the category of geometry constraints)

The geometry and the functional constraints define the feasible de-
sign space. Apart from these two, there is another type of constraint
which is applied on the performances of the circuit and is required
for defining the feasible performance space.

3. Performance Constraints C,: These are applied on the performance
parameters depending upon the chosen application systems

C,={filp) <0 i=1,2,..n,} (4.57)

For example, the phase margin of an operational amplifier must be
greater than 45°.

The total set of constraints for feasibility checking is thus
C={C,uCruUC,} (4.58)
The feasible design space is thus defined by
D ={alaeC} (4.59)

This is somewhat the same as defined in Chapter 2. It is to be noted that
through the process of feasibility checking, various simulation data are dis-
carded. At a glance this may give an impression about wastage of costly sim-
ulation time. However, for an analog designer (who is a user of the model),
this is an important advantage. This is because the infeasible data points will
never appear as a solution whenever the model will be used for design char-
acterization/optimization. Even from the model developer’s perspective, this
is not a serious matter considering the fact that the construction process is
in general a one-time process [47]. The feasibility constraints remain invari-
ant if the performance objectives are changed. Even if the design migrates by
a small amount, these constraints usually do not change [69]. This however,
demands an efficient determination of the feasibility constraints.

Since some of the constraints are not directly applied over the design vari-
ables @, it is very difficult to express D in analytic form. A feasibility model
F (&) is defined as one whose output only takes two values {+1, —1}, depend-
ing on whether & € D.

. _ [ +1 ifaeD
f(a)_{—1 if a¢D

Feasibility modeling is treated as a classification problem, and existing clas-
sification techniques such as LS-SVC are applied to solve it. Instances from
simulations are used to train a selected model with the objective of minimizing
the classification error on the training set.
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FIGURE 4.21
Two-stage CMOS operational amplifier circuit for Case Study 3.

4.12 Case Study 3: Combined Feasibility and
Performance Modeling of Two-Stage
Operational Amplifier

Identification of feasible design space is essential prior to the construction
of performance models since it screens out infeasible designs of which perfor-
mance parameters are essentially noise to a regression based model generation
technique. This case study presents a combined feasibility and performance
model generation for a two-stage operational amplifier circuit [47, 18]. The
circuit schematic is shown in Fig. 4.21. In order to reduce the number of de-
sign variables, the lengths of all the transistors are assumed to be fixed at
L = 0.5pum. The transistors M; and M in the differential pair must have
equal widths for matching purposes, i.e., Wi = Ws. Similarly M3 and My
must also have same widths so that W3 = W,. The width of the transistor
Mg is fixed to Wg = 10um. The width of the transistor Mg is given by the

W.
relationship Wg = 2 x # x W3. The geometry constraints are summarized
5
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TABLE 4.9
Transistor Sizes and Feasibility Constraints for Two-Stage OPAMP Circuit
Parameters Ranges
Wi =Wy 1pm, 100pum
Ws =W,y 1pm, 100pum
Transistor Sizes W 1pm, 100pum
Geometry Constraints W, Tpm, 100pum
W 2 X Ws X Wy
8 We
Cc [IpF, 20pF]
Parameters Range
V,. — Vi > 0.1V
Functional Constraints Vs > Vs — Vi +0.1V
Vop ~ 0.9V
Voff S 2mV
Performance Constraints | Bandwidth >2MH=z
Phase margin > 45Y

in Table 4.9. The functional and the performance constraints are also shown
in Table 4.9. These constraints ensure that all the transistors are ON and
operate in a saturation region with some margin.

4.12.1 Feasibility Model

The netlist of the circuit is simulated using the SPICE simulation tool. The
model used for simulation is the BSIM3v3 model. Values of these design vari-
ables are randomly generated within upper and lower bounds to get a set
of 10,000 tuples of design variables. SPICE simulation is run for this set of
10,000 tuples of design variables. Functional constraints and performance con-
straints are verified using SPICE simulation. The outputs corresponding to
the tuples which satisfy the functional and performance constraints are taken
as +1 otherwise the outputs are taken as —1. This results in 10,000 input and
output data pair. Out of these data pairs, 6000 are used to train LS-SVM
classifier and the rest are used for test purposes to check the accuracy of the
classifier. The model is trained using an RBF kernel. For selecting the values
of the hyperparameters, the heuristic rule suggested in [101] is followed and
02 = 24,~v = 250 have been used to get good results. The various classifier ac-
curacy parameters, i.e., sensitivity (Sen), specificity (Sp) and accuracy (Acc)
are provided in Table 4.10. The values of these parameters are close to unity
which demonstrate the accuracy of the constructed feasibility model.
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TABLE 4.10
Statistics of the Constructed Feasibility Models
Noof Testdata [ o? [ v | Sen | Sp | Acc

4000 24 1250 | 0.945 ] 0.967 | 0.992
TABLE 4.11
Statistics of the Constructed Performance Models of Case Study 3
Model | o? | ~ RMS MAX% Ty

Training | Test | Training | Test (s)

A,(dB) | 18 | 178 | 0.047 [0.050 | 0.220 | 0.225 | 128.54
GB(%) | 15180 | 0.087 | 0.10 0.350 | 0.405 | 120.39
PM©) [23]220| 0.032 [0.035] 0.720 [ 0.985 | 139.09

4.12.2 Performance Model

Performance models of three performance parameters: open loop gain A,,
unity gain frequency GB, and phase margin PM are generated. These can
be obtained by running one AC analysis. The data generated during feasi-
bility model checking is reused here. The data that satisfies the feasibility
constraints, and hence belong to the feasible category as predicted by the
feasibility model, are used for constructing the performance model.

Let p’ be the estimated performance parameter and p be the actual per-
formance parameter. The error of models for gain A, and phase margin PM
are defined as

e=p —p (4.60)

and the error of GB is defined as

/

P=p
P

e= (4.61)

that has a unit percentage. The maximum of the absolute values of the training
error or test error is defined as

MAX = max{|e|} (4.62)

This denotes the worst case performance of the generated performance model.
The root mean square error RM S and M AX on the training and test dataset
for the three performance models are shown in Table.4.11. Reasonably good
results for the model have been obtained.
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Nonlinear mapping from the sample space to the input and the output space
for the construction of architecture level performance model.

4.13 Case Study 4: Architecture-Level Performance
Modeling of Analog Systems

The performance models that are used in the architecture-level design ab-
straction are referred to as architecture-level performance models. An analog
architecture-level performance model is a function that estimates the perfor-
mance of an analog component block when some architecture-level design pa-
rameters of the block are given as inputs [141, 109]. This case study [141, 140]
describes the construction of feasible architecture-level performance model of
a two-stage CMOS operational transconductance amplifier (OTA), shown in
Fig. 4.23. The technology is 0.18um CMOS process, with a supply voltage of
1.8V. The performance parameters are (1) input referred thermal noise (p1),
(2) power consumption (p2), and (3) output impedance (p3). These serve as
the outputs of the performance model. The selected high-level design vari-
ables are functions of DC gain (X;), bandwidth (X2) and slew rate (X3).
These serve as the inputs of the performance model.

For the problem of construction of an architecture-level performance
model, both the inputs and the output design variables of the model
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FIGURE 4.23
Two-stage CMOS OTA circuit for Case Study 4.

are functions of the transistor geometry parameters. This is expressed
through

X =R(a) (4.63)
p= Q@) (4.64)

The sample space is defined by a set of geometry constraints applied over the
transistor dimensions. From this sample space, the SPICE simulation tool is
used to generate the data samples corresponding to the input and the output
model parameters. This is shown in Fig.4.22 [141]. The transistor level pa-
rameters along with the various feasibility constraints are listed in Table 4.12.
From the sample space defined by the transistor sizes, a set of 5000 samples is
generated using a Halton sequence generator. These are simulated through AC
analysis, operating point analysis, noise analysis, and transient analysis using
the SPICE program. The functional constraints ensure that all the transistors
are ON and are in the saturation region with some user defined margin. Out
of all the samples, only 1027 samples are found to satisfy the functional and
performance constraints listed in Table 4.12.

The estimation functions are generated using the LS-SVM technique. The
generalization errors are estimated through the hold-out method and the
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TABLE 4.12
Transistor Sizes and Feasibility Constraints for OTA
Parameters Ranges
Wi =W, [280nm, 400um)|
Transistor Sizes W3 =Wy =Wg=W5 [Tpum, 20pm]
Geometry Constraints Ws =Wy [280nm, 10pm]
Ws [Lpm, 50um]
W10 = W11 [280nm, 4OOMmJ
CL [1pF, 10pF]
Parameters Range
Vqs _ V;Sh > 0.1V
Functional Constraints Vop ~ 0.9V
Vorr <2mV
Slew rate [0.1V/ s, 20V/ ps]
Performance Constraints Bandwidth >2MHz
DC Gain > 70 dB
Phase margin 1457, 60|
TABLE 4.13
Grid Search Technique Using Hold-Out Method
Model | o2 v ARE(%) R T

Training | Test | Training | Test | (min)
p1 3.43 | 173.26 1.82 248 1 0999 [0.998 | 118.19
P2 2.10 | 112.04 | 2.32 4181 0.918 |0.905 | 117.83
P3 5.43 | 387.55 2.02 3.14 1 0999 [0.937 | 118.13

5-fold cross validation method. The hyperparameters are computed through
the grid search and the GA-based technique. In the grid search technique, the
hyperparameters (02, ~) are restricted within the range [0.1,6.1] and [10,510].
The grid search algorithm is performed with a step size of 0.6 in o2 and 10
in 7. These parameters are fixed based on heuristic estimations and repeated
trials. The determined hyperparameter values along with the quality measures
and the training time are reported in Table 4.13 and Table 4.14 for the hold-
out method and the cross validation method respectively. From the results, it
is observed that the average relative errors for the test samples are low (i.e.,
the generalization ability of the models is high) when the errors are estimated
using the cross validation method. However, the cross validation method is
much slower compared to the hold-out method.

For GA, the population size is taken to be ten times the number of the
optimization variables. The crossover probability and the mutation probability
are taken as 0.8 and 0.05 respectively. These are determined through a trial
and error process. The hyperparameter values and the quality measures are
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TABLE 4.14
Grid Search Technique Using 5-Fold Cross Validation Method
Model | o2 ~ ARE (%) R Tyr

Training | Test | Training | Test | (min)
p1 4.10 | 326.32 1.27 1.33 [ 0.999 |0.999 | 583.12
P2 276 | 112.04 | 2.37 2421 0980 [0.970 | 583.62
03 5.33 | 142.65 1.82 1.85 [ 0.998 |0.998 | 582.67

TABLE 4.15
GA Technique Using Hold-Out Method
Model | o2 v ARE (%) R T

Training | Test | Training | Test | (min)
p1 2.38 | 250.13 2.16 3.38 | 0999 [0.998 ] 12.06
P2 5.62 | 480.19 2.12 3.82 | 0.994 [0.961 | 10.83
p3 5.19 | 140.15 1.98 290 [ 0999 [0.998 | 11.56

reported in Table 4.15 and 4.16. From the results the above observations are
also noted.

A comparison between the grid-search technique and the GA-based tech-
nique with respect to accuracy (ARE), correlation coefficient (R) and required
training time is made in Table 4.17. All the experiments are performed on
a PC with PIV 3.00 GHz processor and 512 MB RAM. We observe from
the comparison that the accuracy of SVM models constructed using the grid
search technique and the GA-based technique are almost same. However, the
GA-based technique is at least ten times faster than the grid search method.
The construction cost of the GA-based method is much lower than the grid
search-based method, since the data generation time is the same for both
methods.

The scatter plots of SPICE-simulated and LS-SVM estimated values for
normalized test data of the three models are shown in Fig. 4.24(a), Fig.
4.24(b) and Fig. 4.24(c) respectively. These scatter plots illustrate the correla-
tion between the SPICE simulated and the LS-SVM estimated test data. The

TABLE 4.16
GA Technique Using 5-Fold Cross Validation
Model | o2 v ARE (%) R T

Training | Test | Training | Test | (min)
p1 3.98 | 350.13 1.35 1.36 [ 0.999 [0.999 | 46.66
p2 | 3.02]150.19 2.12 3.02| 0994 [0.980 | 44.83
p3 5.32 | 540.15 1.81 1.90 [ 0.999 ]0.990 | 46.61
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TABLE 4.17
Comparison between GA and Grid Search (GS) Algorithm (Algo) for LS-SVM
Construction
Model | Algo | o2 v ARE (%) R Ty
Training | Test | Training | Test | (min)
p1 GA [2.38]250.13| 2.16 3.38 | 0.999 [0.998] 12.06
GS [3.43]173.26 1.82 2.48 0.999 |0.998 [ 118.19
02 GA | 5.62 | 480.19 2.12 3.82 0.994 [0.961 | 10.83
GS [2.10[112.04| 2.32 4181 0.980 [0.905 | I17.83
P3 GA |5.19] 140.15 1.98 2.90 0.999 [0.998 | 11.56
GS [5.43]387.55 2.02 3.14 0.999 |[0.937 [ 118.13

correlation coeflicients are very close to unity. Perfect accuracy would result
in the data points forming a straight line along the diagonal axis.

4.14 Meet-in-the-Middle Approach for Construction of
Architecture-Level Feasible Design Space

For architecture-level specification translation problems, the feasible design
space is defined by the specification parameters of the component blocks of
the chosen architecture of the system. The specification parameters need to
be feasible for the chosen application and at the same time these should be
realizable when the individual component blocks are implemented by transis-
tors. This section presents a meet-in-the-middle approach for identification of
the feasible design space at the architecture-level of design abstraction [139].
Two design spaces are identified: (i) application bounded space D,(X) and
(ii) circuit realizable space D.(X), where X denotes the set of specification
parameters of a component block at the architecture-level of design abstrac-
tion. The intersection of these two spaces defines the feasible design space.
The construction of these two design spaces is described below.

4.14.1 Application Bounded Space D,

The application bounded space is defined by a set of constraints f,(X) < 0.
The construction of this space is discussed with a simple example[139]. Con-
sider a system with a voltage amplifier and a low pass filter connected in series.
Let the desired specifications of the system be: total gain Ar € [Arr, Ary]
and design constraints (1) maximum input signal = VmV, (2) bandwidth
= feKHz and (3) input signal frequency = f;,, M Hz. Suppose the design
variable vectors are X; = (Ay, Liny, B1) and Xy = (Ag, Ling, By). These
are the specification parameters of the component blocks, i.e., gain, input
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linearity (the range of the input signal in which the transfer characteristics
of the circuit is linear) and bandwidth respectively. The following constraints
are derived from circuit knowledge.

Arp < A x As < Apy (4.65)
A —ndAs = 0 n=1,2. (4.66)
Lini > V (4.67)
By > fin (4.68)
Ling > A1 xV (4.69)
By = fe (4.70)

In (4.67), the value of n depends upon the designer’s experience. The interac-
tion between the gain of the two blocks is captured by these equations.

The problem of constructing the application bounded space D, may be
considered to be finding solutions of f,(X) < 0 over an interval of X. An
approach to solve this is through interval analysis technique. The interval
analysis technique is based on the concepts of interval arithmetic [74]. In
interval arithmetic, real numbers are replaced by intervals which are combi-
nations of a lower bound and an upper bound on the allowable value range of
a variable. All basic arithmetic operations like addition, multiplication, etc.,
are replaced by interval versions. Whenever there is more than one variable in
the problem, the solution is enclosed within a multidimensional interval rect-
angle. The commonly used methods for solving equations/inequalities using
interval analysis technique are the Krawczyk method, and the Hansen and
Sengupta method [74]. The application bounded space D, for a component
block is constructed by combining the interval rectangles corresponding to
all the specification parameters. The application bounded space is therefore
constructed in a top-down fashion. This space is represented by a hyperbox
as is shown in Fig. 4.25.

4.14.2 Circuit Realizable Space D,

A set of discrete tuples of circuit realizable specification parameters constitutes
the circuit realizable space D... This is constructed through the data generation
technique discussed earlier. Each component block is implemented through
transistors and is simulated through SPICE. A set of constraints is applied on
the transistor sizes as well as on circuit performances to extract feasible tuples
only. The applied circuit performance constraints are taken to be relatively
weak compared to the box constraints derived in the top-down phase in order
to ensure that several extracted parameter tuples lie within the hyperspace
D, . The space D, is thus constructed using a bottom-up approach.

4.14.3 Feasible Design Space Identification

The feasible design space D is a subset of the application bounded space, which
is circuit realizable, as shown in Fig.4.25 [139]. The tuples of design parameters
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FIGURE 4.25
Meet-in-the-middle way of constructing the feasible design space D[139).
TABLE 4.18
Functional Specifications and Design Constraints of Case Study 5
Parameters Desired Specs
Sensing Capacitance 100 fF
Capacitance Sensitivity 0.4 fF
Linear Range +6g
Modulation Frequency 1MHz
Modulation Voltage 500m V
Input Voltage Sensitivity 1mV/g
Output Voltage Sensitivity | > 100 mV /g
Cut-Off Frequency < 45 KHz

which lie within D are considered as feasible tuples and the rest as infeasible
tuples. A two class LS-SVM classification technique is to be used to accurately
identify the actual geometry of D. The separating boundary between the two
classes of tuples (feasible and infeasible) is implicitly described by a binary
classification function F;(X;) — {1,—1}. The value ‘1’ signifies the feasible
tuples whereas the value ‘—1’ signifies the infeasible tuples.

4.15 Case Study 5: Construction of Feasibility Model at
Architecture Level of an Interface Electronics for
MEMS Capacitive Accelerometer System

The meet-in-the-middle approach presented above is illustrated with a case
study [139]. Let us consider as an example of a complete system —the interface
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electronics for a MEMS capacitive accelerometer sensor. The block diagram
of the architecture of the system is shown in Fig. 4.26(a)[140]. In this con-
figuration, a half-bridge consisting of the sense capacitors C7, sy is formed
and driven by two pulse signals with 180° phase difference. The amplitude of
the bridge output V,, is proportional to the capacitance change AC and is
amplified by a voltage amplifier. The final output voltage V., is given by

2AC

Vour = Voo 7—F~
L0+ G,

A, (4.71)
where Cj is the nominal capacitance value, C), is the parasitic capacitance
value at the sensor node, V; is the amplitude of the applied AC signal, and
A, is the gain of the system, depending upon the desired output voltage
sensitivity. The topology employs a chopper modulation technique for low
1/f noise. The functional specifications and design constraints for the system
are based on [204] and are listed in Table 4.18.

The synthesizable components are the pre-amplifier (PA), inverter (IN) of
the phase demodulator, low pass filter (LF) and the output amplifier (OA).
These are designed using OTAs and capacitors. The selected design variables
are gain (A), input linearity (Lin), bandwidth (BW) and output swing (OS) of
all the synthesizable blocks. The target output sensitivity Ap is considered as
an interval [105, 205]. This is related to the gain of the individual components
as

1056 < Ap = Apa X Ay X Apr X Apa <205 (4.72)

where A;y and App are the components whose gain is ideally unity and
hence are represented in the interval [0.9,1.1]. The gain of the pre-amplifier
block PA is assumed to be Apg = 2.0 X Apa. The intervals of the gain
parameters of the individual component blocks are determined through the
interval analysis method using MATLAB toolbox. The maximum input sig-
nal amplitude is determined from the input sensitivity and linear range and
is given as V' = 6mV. The linearity of the PA block should be such that it
can accommodate the input signal within the linear range. Therefore, the
lower bound of the input linearity parameter of the PA block is consid-
ered to be Linps = 2.5 X V. The same for the IN, LF and OA blocks are
fixed at APAU X MAPAU X AINU X VaAPAU X AINU X ALFU x V where
Apav,Arnu, Apry are the upper bounds of the corresponding gain param-
eters. The upper bound of the intervals of the linearity parameter of all the
PA, IN, and OA component blocks are fixed at half of the supply voltage. The
lower bound of the intervals of the bandwidth parameters are fixed at 2M H z.
The bandwidth of the LF block is equal to the cut-off frequency = 45K H z,
fixed within an interval. For the swing OS variable, application constraints
have not been imposed. The application bounded constraints for the chosen
system are summarized in Table 4.19. These constraints define the space D,.
It is clear from the discussion herein that the application bounded constraints
are determined through CAD techniques (interval analysis methods) as well
as through designer’s knowledge.
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TABLE 4.19
Application Bounded Constraints: Case Study 5
Params PA IN LF OA
A [16.1,18.40] | [0.9,1.1] [0.9,1.1] [8.05,9.20]
Lin (mV) [15, 900] [276, 900] [303.6, 900] [334,900]
BW (MHz) [2,10] [2,40] [0.0447,0.0453] [2,20]
TABLE 4.20
Circuit Realizable Constraints: PA Block of Case Study 5
Sizes (L=1 um) Ranges
Wi =Ws 1pm, 400 pm
W3 = W4 = Wﬁ = W7 1/M’TL7 100 pm
Ws =Wy [Lpum 100 pm]

The geometry constraints on the OTA circuit used to realize the PA block
are summarized in Table 4.20. A large set of circuit realizable specification
data corresponding to the gain, linearity, bandwidth, and output swing with
wide range of values is generated through SPICE simulation. Those data which
satisfy the application bounded constraints are feasible data. In other words,
those data which lie within the intersection space D in Fig. 4.25. Because all
the component blocks have identical circuit topology, the dataset is reused.
The statistical performances of the SVM feasibility models are reported in
Table 4.21.

TABLE 4.21
SVM Performances: Case Study 5

Block | # Test data | 02 [ v | Sen | Sp | Acc

PA 450 5.2 | 800 | 0.986 | 0.997 | 0.993
IN 560 3.8 80 |0.972 ] 0.936 | 0.992
LF 460 4.8 1 7251 0.968 | 0.995 | 0.993

OA 540 5 | 800 | 0.988|0.963 | 0.992
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4.16 Summary and Conclusion

This chapter described the methodology for construction of performance and
feasibility models using a learning-based approach. The learning networks
considered in this chapter are the artificial neural network and least squares
support vector machine. Preliminary theoretical background on ANN and LS-
SVM has been presented. This is followed by detailed discussion on the tech-
niques for development of the ANN model. The same methodology is applica-
ble for LS-SVM-based models. The ANN-based modeling technique has been
demonstrated with two case studies highlighting practical results. The issue
of dynamic sampling for training data generation has been discussed and a
simple heuristic algorithm has been provided for determination of the optimal
training dataset size. This chapter also provides detailed description about the
construction of feasibility models. The methodology has been demonstrated
with practical case studies of useful analog circuits and systems.






5

Circuit Sizing and Specification Translation

5.1 Introduction

Circuit sizing is defined as the process of finding out the parameter values
of the dimensions of all the transistors (channel lengths and widths) and the
values of the resistors and capacitors in a circuit, such that the desired perfor-
mance objectives are optimized subject to a set of constraints that have to be
satisfied [68]. The circuit sizing task is defined at the cell design level of ab-
straction in the IC design flow. The similar task performed at the architecture
design level of abstraction is referred to as the specification translation. The
specification translation is defined as the task of mapping the specifications of
a block (e.g., a converter) under design to the individual specifications of the
sub-blocks (e.g., a comparator) of the chosen block topology, such that the
complete block meets its performance objectives optimally subject to a set of
constraints that have to be satisfied [66, 139]. The task of circuit sizing and
specification translation are thus conceptually the same thing. The concept is
represented in Fig. 5.1 [76]. This chapter presents a comprehensive overview
of the fundamental concepts behind the analog circuit sizing procedure.

5.2 Circuit Sizing as a Design Space Exploration
Problem

The circuit sizing problem is formally cast as a design space exploration prob-
lem, which has been briefly introduced in Chapter 2 of this text. This is
considered in detail below.

5.2.1 Problem Formulations

The design variables refer to those variables which are used by the circuit
designers as decision variables. Design objectives include functional objectives
and performance objectives. The functional objectives need to be met by the
design in order to be functionally right. The performance objectives, on the

217



218 Nano-Scale CMOS Analog Circuits: Models and CAD Techniques

Design Specs for Block A

Translation fa Translation fa,

Design Specs for Sub- Design Specs for Sub-
block A1 block A2
1 1...
2 2. ..
3 3...
4 4. ..
FIGURE 5.1

General design flow of a circuit sizing/specification translation task.

other hand, need to be minimized (or maximized). Let us consider the circuit
of an output buffer, as shown in Fig.5.2 for illustration purpose [129]. The
design variable set & includes transistor dimensions and passive component
values. The possible functional objective set is [129] gy which includes (1) DC
Gain (A > target), (2) input capacitance (Cjy, < target), (3) 3-dB frequency
(fsap > target), and (4) output swing (target < OS < target). The perfor-
mance objective set py may be power consumption P. The design variable set
al = {ay,a2,...,a,}T defines a multi-dimensional design space. Each of the
design variables «a; is bounded within an upper and a lower boundary. The
functional objective and the performance objective parameters are expressed
as functions of the design variables, i.e., Ag(@), Cin (@), f3a5(a), 0S(a), P(a).
Then the problem of circuit sizing is formulated as a constrained optimization
problem; in particular, for the case of the buffer of Fig. 5.2 as,

Minimize P(a)
0(&) > target
Cin (@) < target (5.1)
f3dB( ) > target

target < OS(@) < target
and i <o <oy t=1,2,....n

subject to
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A CMOS output buffer circuit.

5.2.2 Solution Techniques

There are two broad categories of techniques for solving problems of (5.1).
These are (1) analytical techniques and (2) iterative techniques. Unfortu-
nately, even for elementary analog circuits like that shown in Fig. 5.2 exact
analytical solution to the sizing problem is not possible. The primary reasons
are

1. The design equations (i.e., the functional relationships between the
various functional and performance objectives on one hand and the
various design variables on the other hand, which are nothing but
the performance and feasibility models) often cannot be expressed
accurately in pure analytic form, especially in the nano-scale regime.

2. Even if analytical representations of the design equations are pos-
sible, these are often highly nonlinear, and consequently unsolvable
analytically. The situation becomes more complicated when the di-
mensions of the design variable space and the design objective space
become large.

3. Even if the design equations are simple, analytical solution of (5.1)
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Design space exploration process for circuit sizing/specification translation
task.

requires computation of the first and second derivatives of the design
equations, which are in many cases very difficult to evaluate.

Therefore, analog circuits are most conveniently sized by using an iterative,
dynamic process. This in turn can be done manually by the designers or
through some automated design space exploration procedure.

5.2.3 Design Flow

The general flow of an automated design space exploration procedure for cir-
cuit sizing using optimization algorithm is shown in Fig. 5.3. The procedure
starts with a set of design specifications. This consists of formal descriptions
of the various functional and performance objectives and the boundaries of
the design variables. The design variables are initialized to some random val-
ues within the boundaries. The various design equations (both performance
models and feasibility models) are used to construct a cost function. The cost
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function is evaluated with the initial values of the design variables and the
evaluated results are checked against the design specifications. The subse-
quent values of the design variables are generated through some optimization
algorithms. The process is done iteratively until a set of design variables is
obtained for which the desired design specifications are satisfied.

The two important modules of said procedure are (1) evaluation of cost
function through performance and feasibility models and (2) optimization
algorithms. Chapter 4 of this book discusses in detail the construction of
the performance and feasibility models. The implementation of the latter is
discussed in the next section.

5.2.3.1 Evaluation of Cost Functions

The cost function is evaluated through some design equations. These design
equations can be analytical equations or some learning network such as ANN
and LS-SVM network, depending upon the complexity of the problem and the
degree of accuracy required.

5.3 Particle Swarm Optimization Algorithm (PSO)

Particle Swarm Optimization is a population-based search algorithm inspired
by the behavior of biological communities that exhibit both individual and
social behavior; examples of these communities are flocks of birds, schools
of fish, and swarms of bees. Kennedy and Eberhart introduced the concept
of function-optimization by means of a particle swarm [99]. A swarm is a
collection of individuals or particles. Particles are conceptual entities, which
fly through the multi-dimensional design space. At any particular instant, each
particle has a position and a velocity. The position vector of a particle with
respect to the origin of the design space represents a trial solution of the design
problem. Particles move randomly in the entire design space with velocity
which is dynamically adjusted according to its own flying experience and the
flying experience of the swarm. The movements of the particles are controlled
by updating the position and velocity vectors of each individual particle in an
effort to find the optimum solution. The position of each particle is represented
by a set of coordinates in the n-dimensional (n being the number of design
variables) design space of the exploration problem. The position vector of the
it" particle in an n-dimensional design space is given as

_ T
T = [2i1, Tig, -y Tin] (5.2)
and the corresponding velocity vector is given by

V; = [’Uil,’l}ig, ey Uin]T (53)
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The position corresponds to the design variables that need to be optimized.
At the beginning, a population of particles is initialized with random positions
and random velocities. The population of such particles is called swarm S. At
each time step, all particles adjust their positions and velocities, i.e., directions
in which particles need to move in order to improve their current position, thus
their trajectories. The changes in the positions of the particles in the design
space are based on the social-psychological tendency of individuals to emulate
the success of other individuals. Thus each particle tends to be influenced by
the success of any other particle it is connected to.

5.3.1 Dynamics of a Particle in PSO

There are two main versions of the PSO algorithm, local and global. In the
local version, each particle moves toward its best previous position and toward
the best particle within a restricted neighborhood. In the global version of
PSO, each particle moves toward its best previous position and toward the
best particle of the whole swarm. The global version is actually a special case
of the local version where the neighborhood size is the size of the swarm. The
position and velocity of each particle is updated according to the following
two equations [100)

ﬁgtﬂ) = w'ﬁz(t) +ar. (ﬁlg?sti - jz('t)) +car2. (glg?sti - jl('t))

jgtﬂ) () ,Dl(tJrl)

= I
where ppest; represents personal best experience and Gpest; represents the best
position found so far in the neighborhood of the particle. When the neighbor-
hood size is equal to the swarm size, gpest; is referred to as the globally best
particle in the entire swarm.

The first term in the velocity updating formula represents the inertial ve-
locity of the particle. w is referred to as the “inertia factor”. Since it is the
tendency to maintain the previous direction, it is called inertia. The second
term represents the competition between the personally best position ppest;
that each individual particle has experienced and its current position. c¢; is
termed as “self-confidence” [171]. The third term represents the particle’s
social cognition or cooperation between the globally best position that one
particle of the swarm has found and the current position of the particle. ¢y
is termed as “swarm confidence” [171]. 71 and ry stand for a uniformly dis-
tributed random number in the interval [0, 1]. These are used to give diversity
to the particles. The particle updates itself constantly sharing the information
both from itself and the entire swarm in such a way that enables the particles
to move toward the optimum solution. The dynamics of the particle in a PSO
algorithm is illustrated in Fig. 5.4.
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Tllustration of the dynamics of a particle.

5.3.2 Flow of the Algorithm

The algorithm starts with random initialization of the position and velocity
of all the particles in a swarm. At the start of the simulation run, this initial
position of each particle is taken as the ppest 0of the respective particle and the
first gpest is obtained from among these initial positions. A fitness function is
used to search for the best position. As discussed in Chapter 2, this fitness
function is computed based upon the cost function of the problem. The fitness
function is computed based upon the current position of each particle. If the
current fitness value of a particle is better than the corresponding ppest, then
the ppest location is updated with the current position value. If the current
best fitness value is better than the gpest, then gpes: position is replaced by
the current best position value of the entire swarm. The next position of each
particle in the swarm is calculated based upon the dynamic equations (5.4)
and (5.5). This iterative process continues until some termination criteria are
satisfied. This process is iterated, in general, for a certain number of time
steps, or until some acceptable solution has been found by the algorithms or
until an upper limit of CPU usage has been reached. The flow chart of the
PSO algorithm is shown in Fig. 5.5.

5.3.3 Selection of Parameters for PSO

The main parameters of a simple PSO algorithm are w, ¢y, c2, Vingr and the
swarm size S. The settings of these parameters determine how it optimizes
the design space exploration. However, it may be noted that the same param-
eter settings do not guarantee success in different problems. Therefore, it is
essential for the designers to understand the effects of the different settings,
so that it is possible to pick a suitable setting from problem to problem [39].
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FIGURE 5.5
Flow chart of the PSO algorithm.
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5.3.3.1 Inertia Weight w

The momentum of the particle is controlled by the inertia weight. Therefore,
if w << 1, quick changes of direction of the movement of a particle is possible.
If w = 0, the concept of velocity is lost and the particle moves in each step
without the knowledge of the previous velocity. On the other hand, setting w
high (> 1) produces the same effect as setting ¢; and ¢z low. The particles can
hardly change their directions which implies a larger area of exploration as
well as a reluctance against convergence toward optimum. Therefore, in short
high settings near 1 facilitate global search, and lower settings in the range
[0.2,0.5] facilitate rapid local search [39]. It has been reported that when V4.
is not small (> 3), an inertia-weight of 0.8 is a good choice [170].

5.3.3.2 Maximum Velocity V..

The maximum change that one particle can undergo in its positional coor-
dinates during an iteration is determined by maximum velocity V... The
commonly used approach is to set the entire range of the design space as the
maximum velocity V.. The original idea of using this parameter is to avoid
explosion and divergence. However, with the use of w in the velocity update
formula, the maximum velocity parameter becomes unnecessary to some ex-
tent. Therefore, sometimes this parameter is not used. In spite of this fact,
the maximum velocity limitation can still improve the search for optima in
many cases [39].

5.3.3.3 Swarm Size S

A common practice in selecting the swarm size is to limit the number of
particles to the range 2060 [39]. It has been shown that though there is a
slight improvement of the optimal value with increasing swarm size, a larger
swarm increases the number of function evaluations to converge to an error
limit.

5.3.3.4 Acceleration Coefficient ¢; and ¢y

An usual choice for the acceleration coefficients ¢; and ¢y is to take ¢; = ¢o =
1.494 [98]. An extensive study of the acceleration factor of PSO can be found
in [170]. Some researchers prefer to change these parameters in an adaptive
manner as follows [148]:

iter

@ = (=) ypxrER T 56)
iter

@ = (e yorrER T 57

where c14,c1y,co; and coyp are constants, iter is the current iteration number
and MAXITER is the number of maximum allowable iteration. The basic
idea behind the adaptive change of the acceleration coefficients is to boost
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the global search over the entire search space in the initial part of the search
procedure and to encourage the particles to converge to global optima at the
end of the search.

5.4 Case Study 1: Design of a Two-Stage Miller OTA

The two-stage OTA circuit that has been considered in the present case study
is shown in Fig.5.6. The design variables are the transistor dimensions, bias
current and the compensation capacitor C.. The various design specifications
are (1) open loop gain A, (2) gain-bandwidth GBW, (3) slew rate SR, (4)
input common mode range ICM R, (5) output voltage swing and (6) power
dissipation Py;ss-

The various design equations related to the manual sizing of the two-stage
CMOS OTA are summarized below based on [5]

1. From the desired phase margin, i.e., for a 60° phase margin, it is

Yl 40

Qo L
L

= w H [ L[
gl

FIGURE 5.6
Schematic diagram of the Miller OTA.
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chosen that
C. > 0.22C, (5.8)

where C, is the compensation capacitor and C7, is the load capaci-
tor.

2. The tail current is selected from the slew rate requirement

Is = SR.C. (5.9)

3. Find gy, from GBW and C¢ using the formula
gm1 = GBW.C, (5.10)

Thereafter (W/L); is calculated as

2 2
(E) _ (E) _ Im1 — Im1 (5'11)
L), L), 2K, K

where Iy = I5/2 and K, = p19Cos
4. From the positive ICMR requirement

Vie(max) = Vpp — Vspg,(S@t) — Vsai (5.12)

The current flowing through M1 is I5 /2. Therefore, it can be written
that

I
Vie(maz) = Vpp — B_i — |Vir1| = Vsps (sat) (5.13)

from which Vgps(sat) is calculated. Thereafter, (W/L)s is calcu-
lated as - o]
(%) ~mm— (5.14)
L 5 KZDVSDS(sat)

5. From the negative ICMR requirement, it follows that

Vic(min) = Vs1 — Vsg1 = Vsp1 + Vass — Vser = Vass — |V |
(5.15)
since the transistor M1 is to remain in saturation. From this Vg3
is calculated, thereafter B3 and hence (W/L)s is calculated using

the following
1;
Vass = ’/B_Z + Vry (5.16)

Since Vagss = Vasse and M3 and M4 form a current mirror, we have

B, e
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6. For 60° phase margin, it is required that

To achieve proper mirroring of the first stage current mirror load,
it is required to ensure that Viggs = Vg7, It is easy to show that

this requires
W W m
(—) = (—) ImT (5.19)
L 7 L 3 9m3

where ¢p,3 is found out from

213 I
m3 = = 5.20
Jm3 Vess —Vrs  Vass — Vrs (5.20)
Hence calculate (E)
L),
7. The current through M7 is calculated as
2
I; = _ 9mr (5.21)

216, (1)
L/,

w
Since I7 = Ig, and Vsas = Vsas, (f) is calculated as
8

CRCEF IS

8. The gain is calculated as

2gm2gm7
A, = 5.23
Is (A2 + Ag) I7 (A7 + Xg) (5.23)

The PSO is utilized for design specifications of gain A, > 45dB, phase
margin > 45°, GBW > 25MHz 0.05V < ICMR < 0.6V, SR = 5V us. The
target objective is to reduce the total MOS transistor area to smaller than
3um?.

Since the target gain is not high and the target area is very small, it is
preferred to take the channel length to be 0.1um. The design variables are the
channel widths W and the compensation capacitor C.. The inputs of PSO
are set as Vpp = 1V, Vi, = 0.466V, |Vr,| = 0.412V, K,, = 239uA/V? K, =
361A/V?2. The swarm size is 35, w = 0.99,C; = Cy = 2. The constraint
functions are based on the design equations outlined above. The equality con-
straints are used to reduce the number of design variables. The target values
of the specifications are selected so as to have sufficient guard band. The de-
sign process is iterated over 1000 epochs with a total execution time of about
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TABLE 5.1
Aspect Ratios of Each Transistor of Case Study 1
Transistors | W/L
M1,M2 6.7
M3M4 | 27.3
M5, M6 | 10.2

M7 52.69
M8 9.826
CL 2.2pF
TABLE 5.2
Comparison between PSO and Simulation Results of Case Study 1
Parameters PSO SPICE
A, 48 dB 57.7 dB
PM 60° 507
GBW 3MHz 2.82MHz
CMRR 60.78 dB
ICMR 0.1 to 6V 0.05 to 0.60V
Slew rate 5V/pus | +ve 1.045V/us and -ve 4.3V/us

5s with an Intel Core 2 duo processor. The (W/L) values of the various MOS
transistors are tabulated in Table 5.1.

In order to validate the synthesized results, the design is implemented in
a SPICE environment and simulated with 45nm CMOS technology with 1V
supply. The simulation results are shown in Fig. 5.7(a), 5.7(b), 5.8(a), 5.8(b)
and tabulated in Table 5.2

5.5 Case Study 2: Synthesis of on-Chip Spiral Inductors

This case study is in continuation of that described in Chapter 4 of this
text. The task of on-chip spiral-inductor synthesis refers to the process of
determining the layout geometric parameters from electrical specifications.
The layout geometry parameters are (i) the outer diameter d, (ii) the num-
ber of turns N, (iii) the metal width W and (iv) the spacing between the
metal traces s. The spiral-inductor-synthesis procedure helps the designer to
make a trade-off analysis between the competing objectives, namely, Q, SRF,
and outer diameter d, for a given L. The synthesis flow is shown in Fig. 5.9
[122]. The objective of the synthesis methodology is to find a set of layout
parameters which will give the desired inductance value within acceptable
error.
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AC simulation results of the synthesized OTA in Case Study 1.
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FIGURE 5.9
Flow chart of the on-chip spiral inductor synthesis problem.
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TABLE 5.3

Synthesized Values of Inductor Layout Geometry Parameters

L(nH) | d(pm) | W(um) | N | s(um) Q SRF(GHz)
3.9999 | 275 15.1 [4.0] 24 |3.6122 10.257
3.9968 | 284 13.1 [3.0] 14 3.639 11.587
4.0041 | 252 11.7 [39] 25 |3.1102 11.207
4.0032 | 300 19.0 [|3.5] 1.3 |4.2953 9.1302

The design variable vector is @ = [d, N, W, s]T. The cost function is for-
mulated as [122]

Minimize Ligrget — Lann
subject to Npin <N < Npaz
dmin < d < dmaz
Winin <W < Winge (5.24)
Smin < 8 < Smax
d>2N(W +s) — 2s
SRF > SRFnin

The variables bounds are d = 100 — 300pum, W = 8 — 24ym, N = 2 — 6,5 =
1—4pum and SRF,,;, = 6GHz.

The PSO algorithm generates a swarm of particles, each representing a
combination of layout parameters in the given design space. For each combi-
nation of the design variables, the performance parameters are computed from
a pre-constructed ANN-based performance model. Cost function is computed
using these electrical parameter values. The design variables are then updated
according to the minimum cost following the PSO algorithm. This process
continues until a desired cost function objective is achieved or the maximum
number of iterations is executed. The error value is set to 0.0001nH and the
maximum number of iterations is taken to be 1000.

Table 5.3 shows the layout geometries of the inductors as synthesized by
the proposed approach for a desired inductance value of 4nH at 1GH z oper-
ating frequency [122]. A set of sample 4 layout geometries are reported here.
This helps the designer to make a trade-off between @, area (outer diameter),
and SRF. It is to be noted that it may not be feasible to fabricate all the
inductor geometries synthesized by this approach due to the design rules of a
particular process. For such cases the design values need to be rounded off to
the nearest grid point while doing the layout. To validate the accuracy of the
synthesis approach, the synthesized inductors are simulated with the IE3D EM
simulator. The synthesized inductors satisfy the desired design specifications.
This is demonstrated in Table 5.4. The L, @), and SRF' of these inductors
were extracted from simulated S-parameters. The synthesized inductors show
reasonable matching with the EM simulated results.
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TABLE 5.4
Verification of the Synthesized Inductor Geometry through EM Simulation

L(nH) Q SRE(GHz) | d(um) | W(um) | N | s(um)
PSO 4.0032 | 4.2953 9.1302 300 19.0 3.9 1.3
EM 3.9389 | 4.150 9.5200 300 19.2 3.5 1.1
Error (%) | 1.60 3.38 4.26

5.6 Case Study 3: Design of a Nano-Scale CMOS In-
verter for Symmetric Switching Characteristics

This case study, based on the published literature [131] presents a technique
for the modeling and design of a nano-scale CMOS inverter circuit using an
ANN and PSO algorithm such that the switching characteristics of the circuit
is symmetric. This means that (i) the difference between the output rise time
(tr) and fall time (77) and (ii) the difference between the output propagation
delay times, high-to-low (7ppr) and low-to-high (7pr ) should be minimum.
The transistor channel widths W,,, W, and the load capacitor C}, are the
design parameters. The value of the rise/fall time of the input signal will be
taken from the user. The problem is therefore written as [131]

Minimize [7F — 7R| + |TPEL — TPLH]
F TPHL
subject to (TF)min < 77 < (TF )mas

AN

)
)min S TR > (TR)maw

3
Joy)

—~
B

PHL)min < TPHL < (TPHL)max

(TPLH)min < TPLH < (TPLH)maz (5.25)
0.45 x Vgp < Vgp <0.55 x Vgp

W) min < Wi < (W) maz

(Wp)min < Wp < (Wp)maw

(CL)min < CL < (CL)max

and

The design flow of this circuit sizing problem is shown in Fig. 5.10. The
various performance parameters are evaluated through an ANN-based per-
formance model. Thus the PSO algorithm would result in the exact values
of the design parameters which minimize the cost function value and sat-
isfy the specified constraints. The supply voltage Vpp is taken to be 1.0V.
The swarm size is taken to be 30. The acceleration parameters are taken as
c1 = cg = 1.49618 and the inertia weight factor is w = 0.7298. This ensures
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Flow chart of the inverter design problem.
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TABLE 5.5
Delay Constraints and Design Parameter Bounds
TPHL | TPLH
Sample | C(pF) | Wy, (nm) | Wy,(nm) | 7p(ns) [ Tr(ns) |  (ns) (ns)

1. 0.5-2.5 [ 45-135 | 90-940 | 0.1-15 | 0.1-15 [ 0.05-8.0| 0.05-8.0
2. 0.5-2.5 | 45-110 | 90-620 | 0.1-15 | 0.1-15 {0.05-8.0|0.05-8.0
3. 0.5-1.5 | 45-135 | 90-940 | 0.1-15 | 0.1-15 | 0.05-8.0| 0.05-8.0
4. 1.0-3.0 | 60-160 | 160-945 | 0.1-15 | 0.1-15 [ 0.05-8.0{ 0.05-8.0
5. 1.5-3.5 | 60-135 | 135-840 | 0.1-15 | 0.1-15 [ 0.05-8.0{ 0.05-8.0
6. 0.3-2.0 [ 45-90 | 90-540 |0.1-8.0(0.1-8.0]0.05-6.00.05-6.0
7. 0.6-1.9 [ 60-160 | 135-910 |{0.1-7.5|0.1-7.5]0.05-5.5| 0.05-5.5

TABLE 5.6

Synthesis Results: 7;, = 1ns

Cr | Wy Wy TPHL | TPLH
Sample | (pF) | (nm) | (nm) | 7 (ns) | ra(ns) | (ns) | (n8) | Vap(v)
1. 0.83 [ 128.37]221.93 | 5.1546 | 5.1363 | 2.5277 | 2.4648 | 0.4890
0.76 | 69.44 | 100.08 | 10.5131 | 10.5820 | 4.8127 | 4.8025 | 0.4861
0.81 | 125.82]217.53 | 5.0244 | 5.1146 | 2.6854 | 2.6731 | 0.4879
1.02 [ 157.91]273.01 | 5.2138 | 5.2015 [ 2.5812|2.5637 | 0.4851
1.66 | 134.70 ] 232.88 | 8.8279 | 8.8588 |4.6977|4.6785| 0.4800
0.42 | 65.42 | 113.10| 5.4471 | 5.4233 | 2.5805 | 2.5332 | 0.4887
0.61 | 95.52 | 165.14 | 5.3867 | 5.3678 | 2.7219 | 2.7581 | 0.4876

IS B e e R

good convergence of the PSO algorithm. The maximum number of iterations
that has been considered is 1000.

A set of seven samples has been chosen. For each sample, the desired
rise time, fall time, low-to-high and high-to-low output propagation delay
times are kept within a certain constraint, defined by an upper limit and a
lower limit. Similarly, the design parameters are also kept within a specified
bound. These are tabulated in Table 5.5 [131]. The value of the input rise
time/fall time 74, is assumed to be 1ns. The synthesized values of the design
parameters corresponding to which the cost function is minimized and the
constraints are satisfied for all the case studies, are shown in Table 5.6 [131].
It also contains the corresponding values of the performance parameters. It is
observed from Table 5.5 and 5.6, that the synthesized parameters satisfy the
design constraints.

In order to validate the results obtained through PSO optimization, the
design samples are selected and implemented at the transistor level. The PSO
synthesized transistor widths and output load capacitor values have been con-
sidered. The channel length is taken as 45nm with 1.0V supply. Transient
simulation is then performed using SPICE simulation. A comparison between
the PSO generated results and SPICE results is provided in Table. 5.7-5.8
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TABLE 5.7
Comparison between PSO Results and SPICE Results: 7g and 77
Sample PSO Results SPICE Results
Tr(ns) | Tr(ns) | Diff(ns) | 7r(ns) | 7r(ns) | Diff(ns)
1. 5.1363 | 5.1546 | 0.0183 | 5.0674 | 5.2532 | 0.1858
2. 10.5820 | 10.5131 | 0.0689 [ 10.6200 | 9.8351 | 0.7849
3. 5.1146 | 5.0244 | 0.09012 | 5.0535 | 5.3356 | 0.2821
4. 5.2015 | 5.2138 | 0.0123 | 5.0398 | 5.4025 | 0.3627
5. 8.8588 | 8.8279 | 0.0309 | 8.6485 | 8.5699 | 0.0786
6. 5.4233 | 5.4471 | 0.0238 | 5.2171 | 5.6551 | 0.438
7. 5.3678 | 5.3867 | 0.0189 | 5.2649 | 5.6741 | 0.4092
TABLE 5.8
Comparison between PSO Results and SPICE Results: 7pyy, and 7pr g
Sample PSO Results SPICE Results

Tpar(ns) | Tera(ns) | Diff(ns) | Tr(PHL) | 7#(LH) | Diff(ns)
2.5227 2.4648 0.0579 2.6455 2.4367 | 0.2088
4.8217 4.8025 0.0192 4.9417 4.9256 | 0.0161
2.6854 2.6731 0.0123 2.8366 2.4292 | 0.4074
2.5812 2.5637 0.0175 2.5157 2.4210 | 0.0947
4.6977 4.6785 0.0192 4.7861 4.5264 | 0.2597
2.5805 2.5332 0.0473 2.5771 2.4957 | 0.0814
2.7219 2.7581 0.0362 2.8629 2.6367 | 0.2262

I N B Nl ] e

[131]. Tt is observed that the PSO generated designs yield very good results
even when simulated at the SPICE level as far the symmetry of the switching
characteristics is considered.

5.7 The g,,/Ip Methodology for Low Power Design

By now it is clear to the readers that sizing of an analog circuit while meeting
simultaneously a large number of objectives like a prescribed gain-bandwidth
product, minimal power consumption, minimal area, low-voltage design, dy-
namic range, non-linear distortion, etc., is a very difficult task. This becomes
more complicated when the transistors are designed with nano-scale tech-
nology. Optimization algorithms are attractive without any doubt, but they
require translating not always well-defined concepts into mathematical ex-
pressions. The interactions amid semiconductor physics and analog circuits
are not always easy to implement [93].

This section presents a methodology for sizing of CMOS analog circuits so
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as to meet specifications such as gain-bandwidth while optimizing attributes
like low power and small area. The sizing method takes advantage of the g,,,/Ip
ratio of a MOS transistor and makes use of a set of look-up tables. These
tables are derived from physical measurements carried out on real transistors
or advanced compact models such as BSIM4.

5.7.1 Study of the g,,/Ip and fr Parameters for Analog
Design

An important challenge in analog design is to achieve a good balance between
the bandwidth and power efficiency of a circuit [133]. The two parameters
which appear to be very much significant to the analog designers are (1)
gm/Ip and (2) fr = gm/2(mCyy). The former signifies the amount of current
to be used per transconductance and the later parameter signifies how much
total gate capacitance Cyy must be driven at the controlling node per desired
transconductance. The values of these quantities are found to be dependent
on the region of operations of a MOS transistor. This is demonstrated in Fig.
5.11(a) and 5.11(b). It is observed that the g,,/Ip parameter has the maxi-
mum value in the weak inversion region and the value decreases as the oper-
ating point moves toward the strong inversion region. On the other hand, the
fr parameters has minimum value in the weak inversion region and the value
increases as the operating point moves toward the strong inversion region.
In addition, it is observed that the g,,,/Ip parameter is not very sensitive to
technology scaling. On the other hand, the values of fr increase significantly
with technology scaling.

It is interesting for the analog designers to study the variations of the prod-
uct of g.,/Ip and fr with the region of operation. This is shown in Fig. 5.12.
This helps the designers to determine the overdrive voltage, i.e., (Vas — Vr)
such that the bandwidth objective is met while operating at the correspond-
ing maximum possible g,,/Ip (lowest power). It is observed that for a given
technology node, the product quantity exhibits a “sweet spot” around a gate
overdrive of 100 mV, which is a commonly found bias condition in many of
today’s moderate-to-high speed designs [133]. On the other hand, working with
high g,,,/Ip greatly helps in reducing power consumption for applications that
do not demand an extremely high bandwidth. For such applications, the MOS
transistors can be biased in the weak inversion region. However, operating in
the weak inversion region with high g¢,,/Ip comes at the cost of degraded
linearity performance of the transistor. This is illustrated in Fig. 5.13 | which
shows the linearity performance of various technologies versus g,,/Ip. The
linearity is characterized through the parameter VIP3 which represents the
extrapolated gate-voltage amplitudes, at which the third-order harmonics be-
come equal to the fundamental tone in the drain current Ip. Mathematically,

this is expressed as [202]
vIP3 =, [249m (5.26)
gm3
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3
where g,,3 = :‘;)‘/—Ii%D' The VIP3 peak, which is shown in Fig. 5.13, is because of
the second—orderc—;isnteraction effect and can be explained as a cancellation of
the third-order nonlinearity coefficient by device internal feedback around a
second-order nonlinearity. In practice, it is very hard to utilize this extremely
linear point. It is observed that the linearity is degraded as the g,,,/Ip ratio
is increased.

It is also important to study the variations of the intrinsic capacitances of
MOS transistors as functions of the g,,/Ip parameter. These are shown in Fig.
5.14(a) and 5.14(b). It is observed that the values of the both the capacitors
are low, when g,,/Ip is high.

5.7.2 g, /Ip Based Sizing Methodology

The g,,/Ip based circuit sizing procedure is based on the relation between
the ratio of the transconductance over DC current g,,/Ip and the normalized
current Iy = Ip/(W/L)[173, 34]. The selection of the g¢,,/Ip as the key
parameter is due to three reasons. First, this parameter is strongly related to
the analog performances. Second, it gives an indication of the operating region
of a MOS transistor. Third, it provides a tool for calculating the transistor
dimensions. This parameter is considered to be a universal characteristic of the
transistors in the same process technology. The relation between the g.,/Ip
parameter with the operating region of the transistor may be written as follows

Ips
a1 —(K>
g_m:i(?ID :8(111[1)): L (527)
ID ID 6VGS 8VGS 8VGS ’

As it has been demonstrated in Fig. 5.11(a) the maximum value of the ¢,,,/Ip
ratio lies in the weak inversion region and the value decreases as the operating
point moves toward strong inversion when Ip or Vg are increased. It may
be noted that the g¢,,/Ip ratio is independent of the transistor sizes. The
normalized current Iy is also independent of the transistor sizes. Therefore,
the relationship between the g¢,,/Ip and the normalized current is a unique
characteristic for all transistors of the same type (n-channel MOS or p-channel
MOS) in a given batch. This relationship is shown in Fig. 5.15(a) and Fig.
5.15(b). This universal characteristic of the g,,/Ip versus Iy curve is used to
determine the aspect ratio of a transistor, which is then subsequently used to
determine the channel width, assuming a fixed value of the channel length.
The corresponding simulation graph is shown in Fig. 5.16.
For a MOS transistor, the magnitude of the intrinsic voltage gain is given
by
gm Im
Ay = gmro = (I—) (Ipro) = <I—) Va (5.28)
D

D
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FIGURE 5.14
Simulation results for the variations of Cgs and Cgp with the g, /Ip.
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Simulation results for the g,,/Ip variations.
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Simulation results showing the variations of the g,,/Ip with the normalized
current Iy.

where V) is referred to as the early voltage of the transistor. Assuming V4
to be constant for a particular channel length of a transistor, the intrinsic
gain is determined by the g,,/Ip ratio. Therefore, the intrinsic gain of a MOS
transistor is maximum in the weak inversion region and reduces as the oper-
ating point moves toward the strong inversion region. This is shown in Fig.
5.17. Therefore, an important guideline to get high gain for a MOS transis-
tor, is to bias the transistor in the weak inversion region with as low Vgg
as possible. An interesting thing observed from the curve is that under weak
inversion regions very small amounts of drain current flows, which implies a
small amount of power dissipation. Therefore, by biasing the MOS transistor
in the weak inversion region, it is possible to obtain high gain with very small
power dissipation.

The procedure for determining the aspect ratio through the g,,/Ip
methodology is explained by a simple example. Let the current flow through
the transistor be Ip = 100nA. The transistor is biased in the weak inversion
region with g,,/Ip = 21.8V ! at Vgs = 0.3V. From the normalized current
plot, it is observed that the corresponding Iy = 41.64nA. Therefore, the as-
pect ratio is found to be W/L = 2.4. Therefore, by assuming L = 100nm, the
channel width is found to be W = 0.24um. The power dissipation correspond-
ing to a supply voltage of 0.5V will be 50nW.
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Simulation results showing the variations of the intrinsic gain and drain cur-
rent with the region of operation.
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The primary advantage of the g,,/Ip methodology over other method-
ologies is that this methodology uses a set of look-up tables as the main
design tool, which is itself constructed from SPICE simulations. Therefore,
the predicted results, as obtained after the circuit sizing process, appear to
be quite close to the actual SPICE results. The same can be achieved by us-
ing ANN/LS-SVM based models. However, construction of look-up tables is
much easier and less time consuming. Therefore, the g,,/Ip methodology is
gaining importance day by day for nano-scale analog circuit design. In addi-
tion, the g,,/Ip methodology gives the designers the flexibility to operate the
transistors in any region of operation. It may be noted that by using compact
models, it is possible to compute the g,,,/Ip graph analytically.

5.7.3 Case Study 4: Sizing of Low-Power Nano-Scale Miller
OTA Using the g,,/Ip Methodology

The sizing methodology of a Miller OTA circuit, shown in Fig.5.6 , is based
on what is presented in [173, 34]and is outlined below.

1. From the power consumption requirement, the total current I flow-
ing through the circuit is calculated.

2. The compensation capacitor C, is calculated from the 60° phase
margin requirement, C. > 0.22C7,.

3. The bias current is determined from the slew rate requirement. I, =
Is = SR.C,
4. The second-stage branch current is calculated as Ig = Iz = Iy — 21,

From the gain-bandwidth requirement, the transconductance of M1
Im1

27wC,

transistor is calculated as GBW =

6. Fix (i—m> to operate the M1 transistor in weak inversion.
D /1

w(5),- (5),

8. The transistors M3 and M4 are operated in the weak inversion re-
gion since the current flowing through these transistors is small.

Select the (g_m> and <g_m) sufficiently high.
Ip /4 D /a4

9. The transistors M5, M6 and M8 are similarly made to operate in

the weak inversion region and the (g—m) ratios are determined
D

accordingly.

10. From the relation g,,7 >> 10.g,,1, find out g,,7 and hence (i—m>
7

D
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TABLE 5.9
Aspect Ratios and g,,/Ip Ratio of Each Transistor of Case Study 4
Transistor | W/L | g /ID

M1 230 24.7
M2 230 24.7
M3 4 23.43
M4 4 23.43
M5 459 24.7
M6 459 24.7
M7 14 22.73
M8 2526 | 24.7

TABLE 5.10
Comparison between Analytical and Simulation Results for Case Study 4
Performances Analytical | Simulation
Gain (db) 60 41.4
GBW (KHz) 50 56
SR (V/us) 0.025 0.02
CMRR(db) 71.9
ICMR(V) (0.065 to 0.9)
Total current (nA) 300 299

11. Once the (?—m> of all transistors and the corresponding drain cur-
D
rents are known, the normalized current are determined from the

w
gm/Ip vs Iy graph and hence the (f) ratios for each transis-

tor are determined from the corresponding normalized currents and
drain currents.

It may be noted that an important issue related to the operation of MOS
transistors in a weak inversion region is that under this condition, the drain
current mismatch due to threshold voltage mismatch is maximum. Therefore,
often the transistors involved in the current mirror circuit are not operated in
the weak inversion region. Therefore, the g,,,/Ip ratios of such transistors are
to be selected accordingly.

With the present methodology it is attempted to design a two-stage Miller
OTA with gain A, > 40dB, gain bandwidth product GBW > 40K H z, phase
margin PM > 60°, slew rate SR = 25V /ms and power dissipation j350nW.

The transistor length is considered to be 0.1um. The length can be in-
creased, if higher gain is required. The aspect ratios as well as the (g,,/Ip)
ratio of each transistor are tabulated in Table. 5.9. The circuit is simulated
using 45nm,1V CMOS technology using HSPICE simulation tool. Table 5.10
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FIGURE 5.18
AC simulation results of the synthesized OTA in Case Study 4.
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shows the comparison between the performances as calculated analytically
and as obtained from SPICE simulation results. The AC simulation results
illustrating the variations of the gain and phase with frequency for the syn-
thesized OTA are shown in Fig. 5.18(a) and Fig. 5.18(b). The CMRR and
the slew rate is obtained from Fig. 5.19(a) and Fig. 5.19(b) respectively. The
difference between the analytical and simulation results occurs primarily be-
cause of the fact that the variations of the early voltage with drain bias are
not taken into consideration in this method. This is an important issue in
nano-scale design and needs to be taken care of judiciously.

5.8 High-Level Specification Translation

At the architectural level of abstraction of a hierarchical analog design
methodology, the overall architecture of the system is first decomposed into
several component blocks. The specifications of these component blocks are
then derived from the specifications of the complete system so that they can
be designed separately. This is referred to as the process of high-level specifi-
cation translation [139]. For example, if the system to be considered is a ¥ — A
ADC, then at the architecture level, the component blocks are the integrator,
comparator, etc. The specifications of these component blocks need to be de-
rived such that the system specifications are optimally satisfied. On the other
hand, at the same time, it has to be ensured that the specifications of the
component blocks can actually be realized in practice, finally when the var-
ious component blocks are to be implemented using transistor-level circuits.
Therefore, the task of high-level specification translation is a challenge to the
analog designers.

The task of construction of feasible design space as an intersection of an ap-
plication bounded space (constructed by top-down procedure through interval
analysis technique) and circuit realizable space (constructed by bottom proce-
dure through actual circuit simulation) and subsequent identification through
LS-SVM classifier method has been discussed in [139]. This has been described
in detail in Chapter 4 of this text. The identified feasible design space needs
to be explored through any design space exploration algorithm such as the
particle swarm optimization algorithm or genetic algorithm etc., in order to
find out the various values of the design parameters. Recently a geometric
programming-based methodology has been used for high-level specification
translation [38].
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5.9 Summary and Conclusion

This chapter discusses in detail the task of automated sizing of analog circuits.
The particle swarm optimization algorithm has been described as a popular
design space exploration algorithm. This is also demonstrated with the case
study of synthesizing an OTA circuit. The cost functions which are to be com-
puted by the design space exploration algorithm during the sizing procedure
are often made simple, based on the square law model of MOS transistors. As
a result, often the synthesized results are found to deviate greatly when the
designs are actually simulated through SPICE. This is sometimes judiciously
avoided by considering a large guard band for the specifications. The alterna-
tive is to embed accurate models such as ANN/SVM-based learning models.
These are also discussed in the present text and demonstrated through case
studies. Finally, this chapter presents a look-up table based approach, based
on the g,,/Ip methodology. This approach is found to be simple and suited
for nano-scale analog circuit sizing, however with a scope of improvement.






6
Advanced FEffects of Scaled MOS 'Transistors

6.1 Introduction

It has been emphasized in the earlier chapters, that the physics of scaled MOS
transistors plays a significant role in determining the performances of CMOS
analog circuits and systems. Therefore, comprehensive knowledge of device
physics is essential in understanding the behavior and characteristics of nano-
scale analog circuits. Without such understanding, the development of CAD
tools will simply be a futile exercise. Chapter 3 of the present text discusses
some fundamental issues related to the physics of scaled MOS transistors that
have profound effects on circuit performances. This chapter presents some
advanced effects of scaled MOS transistors which are gaining importance day
by day as the circuits are designed with sub-90nm CMOS technology.

6.2 Narrow Width Effect on Threshold Voltage

MOS transistors are considered to be narrow when the channel width of the
transistor is of the same order of magnitude as the thickness of the deple-
tion region under the gate oxide [3]. For CMOS ICs with embedded SRAM
(static random access memory), there is a logic portion with relatively wide
transistors and a memory portion that has much narrower MOS transistors.
The study of the effect of channel width reduction thus becomes essential
for memory cell size reduction. The narrow MOS transistors are associated
with interesting characteristics that are the result of several effects occuring
at the edges of the gate. The primary reason behind these effects is isolation
that exists at the two sides of the channel width. The edge effects strongly
increase with reduction of the feature size. Two major isolation technologies
have developed, the semi-recessed or the local oxidation of silicon (LOCOS)
technology and the fully-recessed or the shallow trench isolation (STI) tech-
nology [194]. The following subsections discuss the two technologies and their
associated effects.

253
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FIGURE 6.1
Cross-section along the width of a MOS transistor with LOCOS isolation.

6.2.1 LOCOS Isolated MOS Transistors

Figure 6.1 shows the cross-section along the width of a MOS transistor with
LOCOS isolation. As seen in the figure, there is a gradual transition from the
thick (field) oxide to the thin (gate) oxide. This region is the “bird’s beak”
region. The channel width is equal to the extent of the thin oxide region. It
is to be noted that the depletion region is not limited to just the area below
the thin gate oxide. This is because some of the field lines emanating from the
gate charges terminate on the ionized acceptor atoms on the sides [194]. These
lines are known as the fringing field lines and are also shown as dotted lines
in Fig. 6.1. For wide devices (W large), the portion of the depletion region
on the two sides is a small percentage of the total depletion volume and thus
may be neglected. However, for narrow devices, this constitutes a considerable
portion of the entire depletion volume and becomes non-negligible. The gate
is thus responsible for depleting a larger region as compared to one’s usual
assumption. Thus, it takes a higher Vg value to deplete that amount before
an inversion layer is formed. Effectively, the depletion charge increases and
thus the threshold voltage of the transistor increases. This increase in the
threshold voltage of the device with a reduction in the width of the transistor
is known as the narrow width effect (NWE) [113].
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FIGURE 6.2
Cross-section along the width of a MOS transistor with STI.

6.2.2 Shallow Trench Isolated (STI) MOSFETsSs

The continued increase in circuit density requires devices not only with short
channel lengths and narrow widths, but with a small active area pitch. This re-
quires non-encroaching isolation oxides. The trench or fully-recessed isolation
oxides meet this requirement. Hence, STI technology is extensively used in the
sub-250 nm CMOS generations. Figure 6.2 shows the cross-section along the
width of a MOS transistor with STI technology. The threshold voltage of an
STI MOSFET decreases with a reduction of the width of the device. This is
in contrast to the LOCOS isolated MOS transistors where the threshold volt-
age increases as the device width is reduced. The phenomenon of threshold
voltage reduction with a reduction in the width of an STI MOS transistor is
conventionally known as the inverse narrow width effect (INWE) [82].

As seen in Fig. 6.2 the fringing field lines from the gate terminate on the
charges at the sidewalls of the channel. When the width of the channel is
large, the fringing effect may be neglected. However, when the width of the
channel is small, fringing contributes significantly to the total gate flux and
hence cannot be neglected. Thus, the fringing capacitances are significant. The
total gate capacitance is then considered to be an ideal thin oxide capacitor
in parallel with two sidewall capacitors and may be written as [3]

Ca =Co: WL+ 2Cs7r (6.1)

where C,,; is the ideal thin oxide capacitance per unit area and Cgry is the
sidewall fringe capacitance. This is found to be [1, 3]

2 ozL 2t ox
OSTI = < € > ln ( / > (62)
s tox
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where tf,, is the depth of the recessed oxide. Thus

F*
Co = <1 + W) W LClos (6.3)

P = (4t°x) In <2tf—f) (6.4)
™ tox

is the fringing field factor.

The fringing effect is exhibited by an increase in the surface potential and
an increase in the depletion depth near the trench oxide sidewalls. Further,
the electrostatic potential at the trench oxide sidewalls varies quadratically
along the depth within the depletion layer of the transistor. The enhanced
electrostatic potential and the depletion depth at the sidewalls imply that
the depletion charge is effectively reduced in the narrow devices so that the
threshold voltage gets lowered in the narrow transistors. The threshold voltage
of the narrow channel transistors is thus written as

Q,
WLC,,

where

Vr =Vrp +2%p +

(6.5)

where Q; is the reduced depletion charge density. Again, if the depletion charge
is assumed to be the same as in a wide device the threshold voltage of the
narrow device may be written as
Vr = VFB+2(I)F+& (6.6)
Ca
The BSIM compact model employs an empirical approach to model the narrow
width effect as given below

tOI
AVr(NWE) = (K3+ K3BVgs) (W n WO) 20 (6.7)
where K3, K3B and W0 are the empirical fitting parameters and W is the
effective channel width We;r. Wy is an offset parameter. K3 is positive for
NWE and negative for INWE.

Figure 6.3 shows the typical width dependence of threshold voltage for
LOCOS and STI MOS transistors. It has been recently reported in [142] that
the INWE is caused due to the combined effect of both the gate fringing field
effect and the phenomenon of dopant redistribution.

It is to be noted that change in the threshold voltage with the reduction
in the channel width is also affected in the opposite way by STI-induced
mechanical stress effects in the width direction [138]. With the scaling of the
minimum feature sizes, inverse narrow width effect and STI-induced stress are
becoming increasingly important. However, for device widths below 1um the
INWE dominates and the effect of STT mechanical stress in the channel width
direction becomes significant at larger widths [138].
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Width dependence of threshold voltage for LOCOS and STI MOS transistors.

6.3 Channel Engineering of MOS Transistor

In order to combat the degradation of circuit performances of scaled MOS
transistors, various techniques are employed to suppress the short channel
effects. Among the various approaches, vertical channel engineering with ret-
rograde doping, lateral channel engineering with pocket implantations like
single-halo (SH), also known as lateral asymmetric channel (LAC), or double-
halo (DH) etc., have been reported. These are collectively referred to as the
channel engineering of MOS transistors [191] and is discussed in this section.

6.3.1 Non-Uniform Vertical Doping

Localized manipulation of doping is a useful technique often used by the device
designers for engineered characteristics of the MOS transistor. The threshold
voltage and the depletion depth are coupled with each other through the
parameter N4, as observed from the following expressions:

V 4601qNA(I)F

vr Cor

Vrp +2®F + (6.8)

des;iOp
Wim = 6.9
¢ qNa (6.9)
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Step doping and abrupt retrograde channel doping profile.

If it is required to scale down the threshold voltage, it is required to reduce
N4, which in turn increases the depletion depth, which again is not desirable
for better short channel effect immunity. Non-uniform channel doping provides
the device designer an additional degree of freedom to tailor the profile for
improved device performances [192]. For example, lighter doping at a greater
depth from the interface reduces the drain-substrate capacitance and also
the substrate-bias effect [189]. A lighter doping near the interface lowers the
threshold voltage, reduces the field, and improves mobility. On the other hand,
higher doping at a deeper region reduces punch-through between source and
drain [189].

The inhomogeneity in the substrate, due to the channel doping profile is
approximated to belong to the following two broad categories from a modeling
viewpoint: (i) Step profile: abrupt high-to-low profile and (ii) Abrupt retro-
grade: low-to-high profile. These are illustrated in Fig. 6.4. It may be noted
that in reality, these are observed to follow a Gaussian distribution.

6.3.1.1 High-to-Low Profile

The general equation for the long-channel threshold voltage is given by

Qb
Co;E

Vi = Vip+1vs— (6.10)

Wam
Vip + 205 — Oq / N(z)dx (6.11)
oxr JO
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The long-channel maximum depletion depth is determined from the Poisson
equation at the onset of strong inversion and is given by [192, 189]
q de
s =20p = — N (x)dx (6.12)
€si Jo
This integration is easy to carry out for the high-to-low profile and thus the
surface potential is given as

N
_ q ng + qNa
2egi 2egi

Vs

From this the depletion depth is calculated to be

de = \/26*% (¢s — M) (6.14)

(W3, - %) (6.13)

qNa 2eg;

The threshold voltage is then given by

1 Ng — N 2
Vr = Vpp+2®p+ 2gesiNy | 20Fp — a(Ns = Na)
Coz 2es;
q(Ns — Na)
Ao

qANz? n qgANx,
COI
(6.15)

2551’

oxr

1
= Vep+20p+ C—\/2q€SiNA (2@}: —

where AN = Ng — Ny.

The effect of the high-to-low doping profile is therefore reduction of the
depletion layer width and increase of the depletion charge within 0 < x < x,
by (Ns — NA)xs.

The non-uniform profile shown in Fig. 6.4 is basically an approximation
of the Gaussian profile, which is generally the real profile. This is because of
the ion implantation and the subsequent thermal annealing procedure. The
implant dose is defined as

D[ = (Ns — NA) Ts (6.16)

The Gaussian profile may be written as

N(z) = \/g_fra exp <—%> (6.17)

which is centered at z. = /2 and o is the implant straggle. The threshold
voltage is therefore, written as

1 Dirzx, D
Vi = Vg + 205 + 2e5iqNa 20y — L2} L 2L (6.18)
Cox €Si Cou
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The maximum depletion depth is given by

2€g; gDz,
Wam = 20 — 6.19
¢ \/qNA < r €si > (6.19)

For the limiting case of a delta function of dose localized at the interface
(z. = 0), the depletion width does not change and the threshold voltage shift
is given by

qD;

ox

AVr =~ (6.20)

It may be noted that all expressions derived for the depletion capacitance,
subthreshold slope and body-effect coefficient for the uniform doped case re-
mains valid, by replacing the depletion width of the uniform case with that
derived for the non-uniform case. For the high-to-low profile, the depletion
depth decreases so that the depletion capacitance increases. This results in
larger (less steep) subthreshold swing.

6.3.1.2 Low-to-High Retrograde Profile

To reduce the threshold voltage without significantly increasing the gate de-
pletion width, a retrograde channel profile is used. The derivations of the
maximum depletion width and threshold voltage remain identical, with ap-
propriate change of signs, and are given as follows [192, 189]

2€s; gAN2?
Wim = 20 — 6.21
‘ \/qNA< " e (6:21)
ANz2 ANz,
Vi = Vip+20r + 2e5igNa (205 + o2 ) - 220
ox 265’1' Co;E
(6.22)

The threshold voltage is thus decreased and the depletion depth is increased.

6.3.1.3 Compact Modeling of Vertical Non-Uniform Doping Effect

This non-uniformity makes the body-effect parameter v in (3.5) a function
of both the depth from the interface and the substrate bias. If the depletion
depth is less than X, as shown in Fig. 6.4, N4 in (3.6) is equal to Npgp,
otherwise it is equal to Ngsyp. Then the threshold voltage for non-uniform
vertical doping is proposed to be [30]

Vr = Vpo + K1 (\/ws ~Vps — \/w_) — K2Vps (6.23)

K1 and K2 are usually determined by fitting (6.23) to the measured threshold
voltage data.
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Cross-sectional view of a MOS transistor with double halo channel engineering.

6.3.2 Pocket (Halo) Implantation

In this case, the doping concentration near the source/drain junctions is higher
than that in the middle of the channel. With this type of channel engineering,
the doping concentration in the channel along the channel length becomes non-
uniform. The halo/pocket implantation can be made either near the source or
near both the source and drain regions [191]. Accordingly, the transistors are
referred to as single halo (SH) or double halo (DH) transistors. The schematic
diagram of a VLSI MOS transistor using double halo pocket implantation is
shown in Fig. 6.5. The lateral non-uniform doping with higher doping concen-
tration near the source/drain extension regions results in an increase in the
average doping concentration in the channel. This in turn leads to an increase
in the threshold voltage.

The non-uniform doping concentration along the channel length may be
approximated by a step doping profile as shown in Fig. 6.6. The average
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Lateral variation of channel doping.
channel doping is written as [30]
NDEP(L—QLy)+Np2Ly Lpr—NDEp
Negr = =N, 1+42————
ff 7 DEP + 7 Nogp
L
~ Npgp <1 + PLE0> (6.24)

In (6.24), N, is the pocket concentration and Lpgg is a fitting parameter
whose value is to be extracted from measurement results [55] and L is the
effective channel length.

With the introduction of lateral and vertical channel engineering, the

threshold voltage for a long channel MOS transistor is finally expressed as
[55]

7
Vi = Vot K1 (\/2<I>F—VBS—\/2<I>F) 14 L

L
- K2V35+K1< 1+ IZEO—1> 201 (6.25)

Lpgp is a fitting parameter which signifies the lateral non-uniform doping
effect on K1. The value of this parameter also needs to be extracted from
measurement results.

For n-channel MOS transistors, halo regions near the two ends of the chan-
nel are beneficial for the suppression of short-channel effects by compensating
the charge-sharing effects from the source-drain fields. This is the significance
of halo implantation.
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Quantum-mechanical tunneling.

6.4 Gate Leakage Current

It has been discussed in Chapter 1, that the thickness of the gate dielectric
scales down with scaling of the technology. The most serious limitation of the
gate oxide scaling is that the gate terminal which is conventionally considered
to be non-conducting shows finite conductivity and current flows through the
gate terminal under a biased condition [1]. This has been briefly mentioned
in Chapter 1. The gate leakage current occurs due to quantum mechanical
tunneling. This is introduced in the next subsection and the other advanced
issues related to gate leakage current are dealt with in this section. A remedial
approach is to use materials other than SiOs as the gate dielectric. This is
also introduced here.

6.4.1 Basic Ideas about Quantum Mechanical Tunneling

According to quantum mechanics, each particle in a physical system is de-
scribed by a wave function ¥(z,y, z,t). This function and its space derivative
(0¥ /0x + 0V /0y + 0V /0z) are continuous, finite, and single-valued [184].
The probability of finding a particle in an arbitrary volume dzxdydz is
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U*Wdxdydz which is normalized so that

/ U*Wdrdydz = 1 (6.26)

— 00

Let us consider Fig. 6.7, which illustrates a situation where an electron while
traveling finds a potential barrier with potential energy Uy (this represents a
potential barrier of finite height) that is higher than the electron energy F.
According to classical mechanics, it is not possible for the electron to cross
the barrier. However, according to quantum mechanics, the electron wave
function has a finite non-zero value within the barrier and also on the other
side. This implies that there is some probability of finding the electron beyond
the barrier. The mechanism by which the electron penetrates the barrier is
called tunneling [184, 192, 189]. The electron wave function will emerge from
the barrier with reduced amplitude.

To calculate the tunneling probability, the wave function ¥ has to be
determined from the Schrodinger equation, in the three regions that are given
as

1. Region-1 (z < x1),potential U(z) = 0. The wave function ¥y, an
oscillatory function which has both forward and backward compo-
nents is determined from

>, n 8m2m*E
dxz? h?

U, =0 (6.27)

where h is Planck’s constant and m™* is the effective mass of the
electron.

2. Region-2 (z1 <z < x3),E < U

dQ\IIQ 87r2m*
W + T [E - U(.’L‘)] \112 =0 (6.28)

3. Region-3 (z > z3),U(x) = 0. The wave function ¥s is an oscillatory
function, which has a forward component only and no backward
component and is determined from

RAN n 8m2m*E
dx? h2

Uy =0 (6.29)

The solutions of (6.27), (6.28) and (6.29) are given as follows

Uy = Ajexplj(krz)] + By exp[—j(k1x)] (6.30)
Uy Ag explj(kax)] + Bz exp[—j(kax)] (6.31)
\113 = Ag exp[j(kga:)] (632)



Advanced Effects of Scaled MOS Transistors 265

where
2w
2
ky = % 2m*(E — Up) (6.34)

A, and Bj represent the amplitudes of the incident and reflected waves respec-
tively in Region-1, Ay and Bs represent the same in Region-2 and Ags is the
amplitude of the transmitted wave in Region-3. The boundary conditions that
are to be satisfied by the electron wave function are that the wave function
and its derivatives are continuous at the boundaries.

The tunneling probability is calculated to be [189)

2 2 .12 -1
ro= L[ U )
Ay 4E (Uy — E)
16E - F Zm* - K
. BEG-B) (-W%W) (6.35)
0

The two important features regarding tunneling phenomenon are

e It is observed from (6.35) that the tunneling probability has a negative
exponential dependence on the barrier thickness W. This means that a thin
barrier increases the tunneling probability.

e For highly energetic particles, the tunneling probability through the barrier
is high. This is responsible for the gate leakage current due to hot electrons.

For complicated barrier shapes such as triangular, trapezoidal, etc., the
Schrodinger equation is simplified through the WKB (Wentzel-Krammer—
Brillouin) approximation provided the potential U(z) does not vary rapidly.
The tunneling probability is given by [189)

T, ~ exp{ / \/8” m - E]da:} (6.36)

The tunneling current J; is calculated as the product of the number of elec-
trons in Region-1 and the number of empty states in Region-2, and is given
by [189]

J, = 47rqm

/leth (1 — fa) NodE (6.37)

where f; and Nj represent the Fermi-Dirac distribution and density of states
of electrons in Region 1 and f5, N2 correspond to that in Region 2 respectively.
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6.4.2 Gate Oxide Tunneling Current

The scaling of gate oxide thickness results in an increase in the field across
the oxide. The high electric field coupled with low oxide thickness leads to the
tunneling of electrons from substrate to gate and also from gate to substrate
through the gate oxide, resulting in the gate oxide tunneling current [154]. The
physical mechanism of the gate oxide tunneling current, elaborated through
the energy band theory is discussed below.

6.4.2.1 Energy Band Theory Model

Let us consider a MOS capacitor with p-type substrate and n™ doped poly-
silicon gate. The energy band diagram under flat-band condition® is shown
in Fig. 6.8(a), where ¢, (= 3.1eV) is the Si-SiOg interface energy barrier
for electrons. The energy barrier ¢,, is the difference in energy between the
conduction band of SiOs and the conduction band of Si. Upon application
of a large positive gate bias, the energy band diagram changes as shown in
Fig. 6.8(b). The electrons from the strongly inverted surface can tunnel into
or through the oxide layer leading to a gate current. On the other hand, with
the application of a large negative bias to the gate electrode, the energy band
diagram becomes as shown in Fig. 6.8(c). The electrons from the n™ polysilicon
can tunnel into or through the oxide layer leading to a gate current.

The mechanism of tunneling between substrate and gate polysilicon is pri-
marily divided into two parts, namely: (1) Fowler-Nordheim (F-N) tunneling;
and (2) direct tunneling [192]. These are discussed below.

6.4.2.2 Fowler—Nordheim Tunneling

The Fowler-Nordheim tunneling involves tunneling of electrons from the con-
duction band of the inverted silicon surface to the conduction band of the SiOq
layer and then hopping of electrons along in the oxide to the gate electrode
[184, 192]. The F-N tunneling involves the triangular barrier and the mecha-
nism is illustrated through a band diagram in Fig. 6.9(a). The F-N current is

given by [192]
&2, [—SW\/ 2m*¢)242‘|
exp

JrN (6.38)

= 87hdor 31q€os

where &, is the electric field in the oxide and ¢, is the interface energy barrier
for electrons. The F-N current equation represents the tunneling through
the triangular potential barrier and is valid for V,, > ¢,;, where V,, is the
voltage drop across the oxide. At an oxide field of 8MV/em, the measured
F-N tunneling current density is about 5 x 1077 A/em?, which is very small.

It may be noted that as electrons are tunneled from Si to SiOs, the actual

1Under the flat-band condition the energy band (Ec, Ev) of the substrate is flat at the
Si-SiO2 interface. The surface electric field in the substrate is zero, so that the electric field
in the oxide is also zero.



Advanced Effects of Scaled MOS Transistors

Eo
3.1eV
Dox
EF,Ec Ec
Ves
Y | ____Ee
Ev E
+++++++7
+ —sili 8eV
n" poly-silicon p-substrate

SiO,

(a) Energy band diagram at flat-band

condition
Dox E.
+Vox ©
-/l
Vo _____Ef
/ E,
EFyEc
Ev
p-substrate

n* poly-silicon

(b) Energy band diagram with positive
gate bias showing tunneling of electrons
from substrate to gate

Er,Ec

Ey

+ -
n" poly-silicon

NG Vo

p-substrate

(c) Energy band diagram at negative gate bias
showing tunneling of electrons from gate to

substrate

FIGURE 6.8
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TABLE 6.1
Leakage Current Mechanisms under Different Operating Conditions
Mechanisms Ige Igs
Region Inversion | Vg >0 [ Vg <0
p-channel HVB ECB EVB
n-channel ECB ECB EVB

energy barrier to tunneling is less than ¢,, by an amount equal to [192]

qgfoz
4T€ o

Ap =

(6.39)

This is referred to as the image-force-induced barrier-lowering effect [189).

6.4.2.3 Direct Tunneling

If the oxide layer is very thin, then instead of tunneling into the conduc-
tion band of the SiO; layer, electrons from the inverted silicon surface tunnel
directly through the forbidden energy gap of the SiO layer. The direct tun-
neling involves a trapezoidal barrier and the mechanism is illustrated through
the band diagram in Fig. 6.9(b). The electrons tunnel through a trapezoidal
potential barrier instead of a triangular potential barrier. Hence, the direct
tunneling occurs at V,, < ¢o,. The direct tunneling current density is given
by [169]

3/2
—8mV2Zmr pol? {1 - (1 - Z‘”) }

3¢2
4" Sox

T = Brhooy P 3hqos

(6.40)

The observation of direct tunneling is limited to oxide thickness less than 50° A
because the tunneling probability for thicker oxide is small.

6.4.3 Gate Leakage Mechanisms and Leakage Components
for MOS Transistors

There are three mechanisms of gate dielectric direct tunneling leakage. These
are (1) electron tunneling from the conduction band (ECB), (2) electron tun-
neling from the valence band (EVB), and (3) hole tunneling from the valence-
band (HVB)[110, 22]. The last component is also described as valence-band
electron tunneling into the valence band. These are schematically shown in
Fig. 6.10(a)—6.10(c). Each mechanism is dominant or important in different
regions of operation for n-channel and p-channel transistors as listed in Table
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Schematic diagram showing gate leakage components in n-channel MOS tran-
sistor.

6.1. When a transistor operates in an inversion region, tunneling current flows
between the gate and the channel, which is represented by (Ig¢). The gate-
to-channel current is partitioned into two parts: one part goes to the source
(Igcs) and the other part goes to the drain (Igcop). Tunneling current flows
between the gate and the body(Igp) under both accumulation and inversion
conditions.

The various components of gate oxide tunneling current are shown in Fig.
6.11. For n-channel MOS transistors, the ECB mechanism controls the gate-
to-channel tunneling current in inversion condition, whereas gate-to-body tun-
neling is controlled by ECB in depletion-inversion and EVB in accumulation.
On the other hand, for p-channel MOS transistors, HVB controls the gate to
channel leakage in inversion, whereas gate-to-body leakage is controlled by
EVB in depletion-inversion and ECB in accumulation. The barrier height for
HVB (4.5 V) is found to be considerably higher than barrier height for ECB
(3.1 eV). Consequently, the tunneling current associated with HVB is much
less than the current associated with ECB. This leads to a lower gate leakage
current in p-channel MOS transistors than in n-channel MOS transistors.

Under all operating conditions, there is a tunneling in the region where
the gate overlaps the source and the drain (Igs, Igp). The overlap tunneling
current is also known as edge direct tunneling (EDT) and is significant for
nano-scale transistors for which the ratio of the source-drain extensions to the
channel length is high. It has been observed that the EDT current is more
significant compared to other leakage mechanisms such as gate-induced-drain
leakage and band-to-band tunneling current for ultra thin gate oxides.
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6.4.4 Compact Modeling

The expression for direct tunneling current density given by (6.40) includes a
number of approximations which lead to inaccuracies. The use of WKB ap-
proximation for ultra-thin gate oxide is questionable. Further, the assumption
of a constant effective mass for all energies (all locations at any oxide thick-
ness and gate bias) is also not accurate. Therefore, a quasi-empirical model is
suggested in [110] as follows

¢
87Th¢oar: 601}

3/2
87V 2m* poL? [1 - <1 - |Z—””|> ]

JDT C(V07V0m7tow7¢om)

X exp (6.41)

3hq |§oz |

BSIM4 gate current model is based on this semi-empirical approach and uses a
common expression for all the tunneling current components and mechanisms.
The BSIM4 model equation for the tunneling current is [22, 1]

Tomre ntow Vau;ﬂVa l
Jor =4 (L) T e B (= B 1Var) (14 3 Vo) Ton P
(6.42)

where A = ¢?/(87h¢os), B = 87v/2qm* (qbox)*'?/(3h), Tozre is the reference
oxide thickness for parameter extraction, ntox is a fitting parameter, and Vg,
is an auxiliary function modeling the density of tunneling carriers and available
states in various regions of operations. Vg, is the applied voltage which has
different meaning depending on the current components and the parameters
a, 3,7, P depend on the tunneling mechanism (ECB, EVB or HVB), region of
operation, and the current components. For detailed discussions, the readers
may consult the BSIM4 manual [55].

6.4.5 Effects of Gate Leakage

One obvious implication of a non-zero gate leakage current is that the gate
terminal now includes a tunnel conductance in parallel with the traditional
capacitance [6, 112]. In order to study the implications of the gate leakage
current, let us consider the simple circuit shown in Fig. 6.12(a). The small
signal equivalent circuit behavior of the gate terminal can be represented as
shown in Fig. 6.12(b) [6, 112]. The variation of the gate current for an n-
channel MOS transistor with the applied gate bias and the signal frequency is
shown in Fig. 6.13(a)—6.13(b). It is observed from Fig. 6.13(a) that the gate
current increases sharply with Vg in the strong inversion region. Further,
the leakage current increases with the scaling down of process technology. At
the 32 nm technology node, the gate leakage current has increased by nearly
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Investigation of the gate leakage current of an n-channel MOS transistor.
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six orders of magnitude as compared to the level for the 90 nm technology
node. It is observed from Fig. 6.13(b) a non-zero amount of gate current flows
even in the low frequency region of the applied gate signal. When the value of
the applied signal frequency is increased after a certain threshold value, the
magnitude of the gate current increases considerably.

The component of the gate current flowing through the capacitive com-
ponent, i.e., ¢, depends upon the signal frequency, while the component #;eqx
does not depend upon the frequency. Therefore, there exists a characteristic
frequency fyqte Where the two current components have equal magnitude. This
frequency is given by [112]

Jleak

fgate = 27_‘_001 (643)

For frequencies much larger than fgqse, ic becomes much larger than ¢jcqx, the
gate current becomes mostly capacitive and the gate behaves like a conven-
tional MOS gate. Otherwise, below fyqte, it is mainly resistive and the gate
leakage is dominant. The value of this frequency is extracted from SPICE
simulation results by plotting the phase of the AC small signal gate current
versus frequency and observing the frequency at which the phase shift is 45°.
The variation of fyut. with the applied gate bias for the various technology
nodes are shown in Fig. 6.14(a) and Fig. 6.14(b). It has been found that fyqe
is independent of the gate area and the drain bias. An empirical expression of
fgate has been derived in [6] as

foate =~ 0.5 x 10 x vZg.exp [tor (vgs — 13.6)] for PMOSFET (6.44)
1.5 x 10'% x vZ 5. exp [tor (vas — 13.6)] for NMOSFET(6.45)

Q

A significant effect of the enhanced gate leakage current is the limited cur-
rent gain. The variation of the low-frequency current gain of MOS transistors
in advanced CMOS technologies as a function of gate length is shown in Fig.
6.15.

|
6.5 High-x Dielectrics and Metal-Gate/High-x CMOS
Technology

6.5.1 High-x Dielectric Materials

It is clear from the previous discussion that the primary cause of gate oxide
tunneling current is the reduced thickness of the gate oxide region. In order to
avoid the tunneling problem, there has been an intense search for alternative
dielectrics with high-+ (permittivity) which have properties very close to SiO2
but offer the opportunity to use a higher thickness for the gate dielectric for
the same value of the gate oxide capacitance. The gate capacitance of a MOS
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Limited current gain with scaling of technology.

transistor using any dielectric material with thickness Ty is given by

€0 HdA
Ty

Cq = (6.46)
where €( is the permittivity of free space, k4 is the relative permittivity of the
dielectric material, A is the area of the conducting plates, and Ty is the gate
dielectric thickness. The thickness of the high-x dielectric insulator is obtained
from the following relation [1].

To.. = Effective oxide thickness (EOT) = %Td (6.47)
d

The relative permittivity of hafnium dioxide HfOq is six times more than that
of SiO5. Therefore, a film of HfOy of thickness 6nm has an EOT of 1nm, in
the sense that both the films produce the same oxide capacitance. However,
the HfO; film is physically much thicker compared to that of the SiOo film.
Consequently, the electric field across the HfO4 gate material will be much less
compared to that across the SiO5 gate material. Some other popular high-x
dielectric insulator materials are ZrO, and Al5Os.

It is a challenging task in itself to integrate these materials into the conven-
tional CMOS processes. The several issues include chemical reactions between
these materials and the silicon substrate, lower surface mobility and more ox-
ide trapped charges. These problems are reduced to some extent by inserting
a thin SiOg interfacial layer between the silicon substrate and the high-x di-
electric insulator.
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Requirement of work function of metal gates for n-channel and p-channel MOS
transistors.

It is essential to include high-« dielectric material-based MOS transistors in
the CAD framework. These are possible through two ways [103]: (i) varying the
model parameter in the SPICE model file that denotes relative permittivity
(EPSROX) and/or (ii) finding the EOT for a dielectric under consideration.
The first approach is not sufficient for modeling the behavior of non-classical
nano-CMOS with non-SiOy dielectrics as it does not correctly account for the
barrier height of non-SiOy dielectrics. Therefore, the second approach is the
preferred one [103].

6.5.2 Metal Gate

Degenerately doped polycrystalline silicon (poly-Si) is used as the gate elec-
trode due to its compatibility with SiO5. Limited carrier densities used in
poly-Si give a depletion depth of a few angstroms. This leads to the poly-gate
depletion effect as discussed in Chapter 3. However, good metals with higher
carrier densities have a depletion depth of only 0.5 angstrom. Hence, the de-
pletion effect in poly-Si may be greatly reduced by replacing poly-Si with a
metal, typically like TiN. Again, some high-x oxides react with poly-Si. Thus,
replacing poly-Si by a metal not only is desirable but is essential too.

The gate metal is chosen predominantly for its work function and thermal
robustness [153]. The purpose of the gate electrode in CMOS is to shift the
Fermi level of the Si channel to the appropriate band edge, to create inversion.
This is illustrated in Fig. 6.16 that shows the work function requirement of
metal gates for n-channel MOS and p-channel MOS transistors. A simple
choice for both n-channel MOS and p-channel MOS in CMOS circuits is to use
the same metal for both of them. The work function would then correspond to
the mid-gap energy of Si, about 4.6eV. However, this easy choice is the worst
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in terms of device properties so far because the threshold voltage for the metal
gate MOSFET is larger than that for poly-Si MOSFET. The other option is
to use different metals for n-channel MOS and p-channel MOS transistors. An
nMOS, consisting of a p-Si substrate requires a metal with work function close
to the Si conduction band energy (4 eV) below the vacuum level. These metals
are quite reactive. The p-channel MOS, on the contrary, requires a metal with
work function close to the Si valence band energy (5.1 V). These metals are
very noble like, Pt, and are difficult to etch. Elemental metals cause problems
as they tend to react with SiOs or the high-x oxide. Instead, high stability
“diffusion barrier” materials like nitrides, carbides, and silicides of transition
metals (e.g., TiN) might be used. These materials however, do not have a
wide range of work functions. CMOS fabrication with molybdenum (Mo) as
the gate material has been reported in literature. Mo exhibits a high work
function that is suitable for bulk p-MOSFETSs and this value may be lowered
for n-MOSFETSs with nitrogen (N) implantation. The choice of the gate metal
is thus a critical issue in the CMOS circuits and needs to be made carefully.

6.6 Advanced Device Structures of MOS Transistors

This section presents three non-conventional device architectures of MOS tran-
sistors that offer significant improvements in device performances and power
consumption. These are the silicon-on-insulator (SOI) MOS transistor, double
gate (DG)-MOS transistor and FinFET. These are briefly discussed below.

6.6.1 SOI MOS Transistor

The silicon-on-Insulator or SOI MOS transistor involves development of
the conventional MOS transistor on very thin layers of crystalline silicon
[191, 192, 189]. The thin layer of silicon is isolated from the substrate by
a thick layer of buried oxide (typically 1000A4° or more). This layer electri-
cally isolates the transistors from the underlying silicon substrate and from
each other. The schematic structure of an SOI MOS transistor is shown in
Fig. 6.17. SOI structures are of two types [192]. These are partially-depleted
SOI (PDSOI) and fully-depleted SOI (FDSOI). In PDSOI, the sum of the
gate depletion widths from the front and back ends is smaller than the silicon
film thickness, tg;. These devices exhibit a floating body effect (kink effect). In
FDSOI, the silicon film is thin enough that the entire film is depleted before
the threshold condition is attained. The sub-threshold slope of these devices
is steeper than that of the bulk devices. The FDSOI devices perform better
than the PDSOI. The SOI structures exhibit lower leakage, low junction ca-
pacitance, low latch-up, and better sub-threshold swing. The performance of
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FIGURE 6.17
Thin film SOI MOS transistor.

these devices depends on the silicon film thickness, BOX layer thickness and
the doping concentrations.

6.6.2 Double Gate (DG)-MOS Transistors

The double gate (DG)-MOS transistors improve the performance of CMOS
devices and overcome some of the difficulties faced in the downscaling of
MOS transistors [32]. The DG-MOSFET was originally proposed in 1984 as
“XMOS.” Threshold voltage roll-off, DIBL, off-state leakage, etc., are signifi-
cantly reduced with a nearly ideal sub-threshold swing of 60mV /decade and
hence these devices are preferred in nano-scale circuits [96]. Figure 6.18 shows
the schematic diagram of a typical DG-MOS transistor. It consists of a silicon
slab sandwiched between two oxide layers. The gate is a metal or a polysilicon
film. The front and back gate electrodes create inversion layers near the two
Si-Si0, interfaces upon the application of a suitable bias. Thus, there are two
MOS transistors that share the same source, drain, and substrate. The short
channel effects of DG MOS transistors are controlled by device geometry and
not by doping (channel doping or halo doping). This is in contrast to the
conventional bulk MOS transistors that suffer from a degraded swing due to
a high channel doping concentration. The two gate electrodes simultaneously
control the carriers. Consequently, the effect of the drain field on the chan-
nel is screened out. In addition, the thin silicon channel leads to a stronger
coupling of the gate potential with the channel potential. The reduced SCEs
lead to greater scalability than bulk MOS transistors. This allows the use of
thicker oxides in DG-MOS transistors compared to the bulk MOS transis-
tors, thereby reducing the gate leakage current. The undoped channel reduces
mobility degradation by eliminating impurity scattering, thereby improving
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FIGURE 6.18
Schematic diagram of a double gate MOS transistor.

the carrier transport. The random dopant fluctuations are also avoided. The
current drive (or gate capacitance) per unit area is increased. The threshold
voltage in DG-MOS transistors with intrinsic silicon channel may be adjusted
by gate electrodes with mid-gap work function, e.g., tungsten.

The DG-MOS transistors are broadly classified as symmetric DG-MOS
and asymmetric DG-MOS [32]. In the former, the two oxide thicknesses are
the same and the two gates have the same flat-band voltage i.e., same work
function (near mid-gap metals) and the gates are connected together. In the
latter, the two oxide thicknesses are different and the work functions of the
gate materials may differ.

Considering the gate materials and body doping, the following three types
of DG-MOSFETSs have been proposed. (i) a doped body symmetric device with
poly-gates (n+ poly for NMOS, SymDG), (ii) an intrinsic body symmetric
device with near mid-gap metal gates (MGDG) and (iii) an intrinsic body
asymmetric device with different front and back-gate work functions (e.g.,
n+ poly/ p+ poly, AsymDG). In the SymDG-MOS transistor, the threshold
voltage is adjusted by using body doping, in MGDG MOS transistor this is
done using the metal work function and in the AsymDG-MOS transistor the
threshold voltage is controlled by the work function difference between the
front and back gates.

It is to be noted that in DG-MOS transistors with undoped channel (nearly
intrinsic), there is almost no depletion charge and the average vertical electric
field is dependent only on the inversion charge density. Thus, compared to
the bulk devices, the reduction in the vertical field in DG-MOS transistors
improves the carrier mobility. Thus, the gate-to-channel tunneling current is
less as compared to the bulk MOS transistors.

The various types of DG-MOS transistor structures are
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1. Planar DG-MOS Structure: This structure as shown in Fig. 6.19(a).,
is similar to a planar MOSFET except that it has a bottom gate.
Though this structure offers good control of the silicon channel
thickness, the fabrication of the self-aligned bottom gate is very
challenging.

2. Vertical DG-MOS Structure: In these device structures as shown in
Fig. 6.19(b) and 6.19(c), the current flow is perpendicular to the
wafer. The vertical structure is very attractive for DRAM applica-
tions since the gate length is decoupled from the packing density.

The DG-MOS transistors are associated with several phenomena like “self-
heating”, quantum mechanical effects, “volume inversion” and misalignment
of the top and the bottom gates. In an ultra-thin DG MOS transistor the
carriers are distributed throughout the entire silicon volume. This increases
the mobility of the carriers by reducing their scattering at the oxide and
interface traps.

6.6.3 FinFETSs

The FinFET is believed to be one of the promising structures that improves
the gate controllability and thus minimizes the short channel effect (SCE)
through adoption of multiple gates [32]. A typical FInFET structure is shown
in Fig. 6.19(c).

The thickness or width of a single fin is equal to the silicon film thickness,
ts;. The channel width is basically twice the fin-height plus the fin-width. The
device width is quantized into units of the fins. Greater widths are obtained
by using multiple fins. The conducting channel is wrapped around the sur-
face of the fin and resembles the fin of a fish. Hence, the name “FinFET”.
Since the source/drain and gate are much thicker (taller) than the fin, the
device structure is quasi-planar. The three-dimensional (3D) structure of the
device requires 3D analyses to obtain a reasonable prediction of device per-
formance and structural optimization. In fact, the short channel effects of the
FinFETs are essentially three-dimensional phenomena which are sensitive to
the geometry of the device. Therefore, 3D-process and device simulations are
indispensable to the design of FinFETs.

It is interesting to note that when the height of the fin is much larger than
the thickness of the silicon film or the top gate oxide is much thicker than
the front and back gate oxides, the FinFET is approximately treated as a
DG-MOSFET. The horizontal cross-section then appears very similar to the
conventional DG-MOSFET structure.
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Different architectures of DG-MOSFET: (a) planar DG-MOSFET (b), (c)
vertical DG-MOSFETs.
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6.7 Noise Characterization of MOS Transistors

Noise in electronic devices originates from internal random fluctuations of a
deterministic signal inherent to the physics of the device [73, 194]. This type
of noise is known as true noise and arises from physical processes governing
the electron transport in the medium. True noise cannot be eliminated, but
it is possible to reduce it by proper design of the devices and circuits. An
excellent text dealing with the low frequency noise characterization of MOS
transistors is that by Hartman and Ostling [73], which may be referred to by
the readers for details of the following discussions.
The current through a device may be written as [73]

I(t) =T +in(t) (6.48)

where I is the average bias current and i, (t) is a randomly fluctuating current.
Since i, (t) cannot be predicted, noise is described with averages measured
over a long time. In practice, all fluctuating currents and voltages in elec-
tronic devices follow the Gaussian (normal) distribution due to the central
limit theorem that states the sum of a large number of independent random
variables has a normal distribution. An important exception is the switching of
the signal between two levels, random-telegraph signal (RTS) noise, which is a
Poisson process. A useful approach to describe noise is to convert the problem
from the time domain to the frequency domain by Fourier transformation.

Noise power spectral density (PSD) gives information about the distribu-
tion of noise power in frequency. The PSD of noise current and noise voltage
have dimensions of A%2/Hz and V?/Hz, respectively. Noise with a constant
PSD for all frequencies is said to be “white.” It is usually observed that noise
PSD is dependent on frequency at low frequencies, and becomes white there-
after.

6.7.1 Fundamental Sources of Noise

Random fluctuations in the current (or voltage) in a device are generated by
some fundamental processes in the device. The average current in a slab of
length L may be written as [73]

I =qNvg/L (6.49)

where ¢ is the electron charge, N is the number of free carriers in the slab,
and vg is the drift velocity of the electrons. Since both N and v4 can fluctuate,
it can be written that

It ="> qu%(t) (6.50)
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where j is for an individual carrier and
N(t) =N+ AN(t) (6.51)
Vdj (t) = Ug; + Avgj (t) (6.52)

Since the average drift velocity is the same for each carrier, the fluctuating
current is written as

AI(t) = Lmgan

N
I Z Avg(t) (6.53)

hl@

Here, the first term is attributed to the fluctuations in the carrier number and
the second term to the fluctuations in the carrier velocity. These fluctuations
give rise to the fluctuations in the current and voltage. However, the fluc-
tuations in the carrier number and velocity are caused by separate physical
mechanisms. Again, since the drift velocity is proportional to the electric field,
the velocity fluctuations may alternatively imply carrier mobility fluctuations.

The various types of noise present in an electronic device are as follows
[73]:

1. Thermal (Johnson/Nyquist) noise: This arises from the random
thermal motion of electrons in a material. When an electron gets
scattered, its velocity is randomized. Thus, at a particular instant,
the number of electrons moving in a certain direction may be more
than that in another direction and a small net current flows. This
current fluctuates in magnitude and direction, but the average over
a long time is always zero. The PSD of thermal noise current in a
material of resistance R and temperature T is

4kT
Si=— 6.54
- (6.:54)
This is sometimes alternatively written as
Sy =4kTR (6.55)

Thermal noise is not white up to infinitely high frequencies. It exists
in every resistive medium and is unavoidable. However, it may be
minimized by proper circuit designing. For instance, input matching
techniques using reactive elements can be used to lower the noise
in amplifiers since reactive elements do not generate thermal noise.
Also, system bandwidth should be kept as small as possible to pass
the desired signal since unused portions of the bandwidth cause
unnecessary noise.

2. Shot noise: The current flowing through a potential barrier (as in a
p-n junction) does not remain continuous due to the discrete nature
of the electronic charge. When the electrons cross the barrier at
random, a shot noise current is generated. Shot noise is a Poisson
process.
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Generation-recombination noise (GR noise): This noise in semicon-
ductors is caused by traps that randomly capture and release carri-
ers, thereby leading to fluctuations in the carrier number. Electronic
states within the forbidden gap of a semiconductor are known as
traps that exist due to the presence of impurities or defects within
the semiconductor and/or at its surface. Traps may be neutral or
charged in its empty state. A trapped charge may further induce
fluctuations in the carrier mobility, diffusivity, electric field, transi-
tion region width, etc. The PSD of GR noise is proportional to the
number of traps and inversely proportional to the carrier number
and is of the Lorentzian type.

Random telegraph signal (RT'S/burst/popcorn) noise: This is a spe-
cial case of GR noise. When only a few traps are involved, the cur-
rent switches between two or more states resembling a RTS wave-
form in the time domain. The PSD is of Lorentzian type. GR noise
may be considered to be a sum of many RTS processes. RTS noise
is observed in MOS devices with small gate area. It is sensitive to
current crowding in the device or a poor contact.

1/f or flicker noise: This noise fluctuation has a PSD proportional
to 1/f. The PSD is of the form [73, 194]
Kr.IpE
St = FOLWE (6.56)
where K is the flicker noise coefficient and AF' is the flicker noise
exponent. The value of the parameter AF lies in the range of 0.5 to
2. The flicker noise coefficient is proportional to the interface trap
density, which is technology specific. It is observed that the flicker
noise spectrum at frequencies above 100M Hz becomes negligible
compared to that of the thermal noise. The flicker noise spectrum
reduces as the gate area is increased. It has been found that the
value of the flicker noise coefficient is less for p-channel MOS transis-
tors compared to that of the n-channel MOS transistors. Therefore,
p-channel MOS transistors are used in designing low noise circuits,
at least in the first stage.

6.7.2 Characterization of Thermal Noise in MOS Transistors

The intrinsic thermal noise of a MOS transistor originates from the channel
resistance due to the random thermal motion of the carriers. The channel
of a MOS transistor may be considered to be divided into several resistive
segments and each of these segments contributes to thermal noise [194, 1].

The thermal noise PSD is given as

8kT
St = Tgm (6.57)
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In order to match the model with experimental results, especially in the linear
region where the transconductance is zero, (6.57) is modified as follows

SkT

Sip, = 3

(gm + gds + gmbv) (6'58)
where gq4s and g, are the output conductance and body transconductance
respectively. A more rigorous approach for characterizing the thermal noise is
given below.

Let us consider an infinitesimally small section of the noiseless channel of
a MOS transistor of length dy, the resistance of which is dR. If the channel
voltage across this section be dVi g, then the drain current (assumed noiseless),
in the absence of velocity saturation is given by

dV
dVes = Ips.dR = —pWQu—=2 dR (6.59)
dy
Then dR is given as
dy
dR = ————— 6.60
WisQn (6.60)
The PSD for the elemental noise voltage is [194]
dy
dSy. =4kTdR = —4kT 6.61
v WisQn (6:61)
Corresponding to this, the elemental noise current PSD is given by
dS]D = ngSVc (662)

where g. is the conductance of the elemental channel segment and is given by

dlps d (W / W
c = = - - Ms ndchs = Hs—7&n 6.63
9= s = dVos [ Ths | Q } ns7Q (6.63)

Therefore, by substitution the elemental noise current PSD is given by
sy, = 4kT“S WQndy (6.64)

Integrating over the entire channel length, the total noise current power spec-
tral density of the thermal noise is given by

Sy :—4kT— / Q. Wy (6.65)

The integral term multiplied by W represents the total inversion charge under
the gate. Therefore, the final expression for the total noise current PSD of the
thermal noise is given by

Sip = 4/€T% Qinv (6.66)
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where QQrnv represents the total inversion charge under the gate. This is the
channel thermal noise model used in BSIM3v3 with proper substitution of
the inversion charge [30]. The variation of the drain current noise with respect
to frequency for n-channel and p-channel MOS transistors as obtained from
SPICE simulation are shown in Fig. 6.20(a)—6.20(b). It is observed that the
channel thermal noise PSD is independent of frequency, at least in the range
of frequencies where the assumption of quasi-static behavior is valid [194].
The variation of the thermal noise for an n-channel MOS transistor with ap-
plied gate and drain bias is shown in Fig. 6.21(a)—6.21(b). The thermal noise
increases with the increasing gate voltage Vigg. However, it depends weakly
on the drain voltage Vpg. This indicates that the noise contribution from the
velocity saturation region of the channel is negligible. This is theoretically
justified from the thermal noise model.

6.7.3 Characterization of Flicker Noise in MOS Transistors

Low 1/f noise in MOS transistors is an important requirement for low-noise
and RF/analog applications. Accurate noise models are therefore essential for
the the VLSI designers in order to reduce the 1/f noise in the MOS transis-
tors. The physical mechanism of flicker noise is important for the designers to
understand [73].

6.7.3.1 Physical Mechanism of Flicker Noise

There are several different theories for explaining the physical cause of flicker
noise. These are broadly classified into three different categories [73, 194]:
(1) carrier density fluctuation model, (2) mobility fluctuation model, and (3)
correlated carrier density and mobility fluctuation model.

The carrier density fluctuation model attributes the origin of flicker noise
to the random fluctuation of the number of carriers in the channel, due to
fluctuations in the surface potential, which in turn are caused by the trapping
and releasing of carriers by the traps located near the semiconductor-oxide in-
terface [194]. The carrier density fluctuation model is observed to successfully
explain the flicker noise spectrum in n-channel MOS transistors.

The mobility fluctuation model attributes the origin of flicker noise to the
fluctuations of the mobility of the carriers, which are caused by the interac-
tions of the carriers with lattice fluctuations. The mobility fluctuation model
successfully explains the flicker noise spectrum in p-channel MOS transistors.

According to the correlated carrier density and mobility fluctuation model,
also referred to as the unified flicker noise model [89, 88], when an interface
trap captures an electron from the inversion layer, it becomes charged and
reduces the carrier mobility due to Coulombic scattering. Thus according to
this model, both the carrier number and the carrier mobility fluctuates due
to trapping and de-trapping of the carriers by the interface traps.
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Noise PSD of n-channel and p-channel MOS transistors.
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Simulated thermal noise PSD for n-channel MOS transistor.
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6.7.3.2 Physics-Based Modeling of Flicker Noise

Let us consider a section of the channel of width W and length Ay. The drain
current is given by
Ips = WusqN§, (6.67)

where ps is the carrier mobility at the surface, ¢ is the electron charge, N
is the number of channel carriers per unit area, and §, is the lateral channel
field. The fluctuation in the local drain current caused due to the combined
effects of the carrier number fluctuation and mobility fluctuation is given by
[89, 88]

5][)5 _ L OAN i 5,u5
IDS - AN (SANt s (SANt

Here AN = NWAy, AN, = N;W Ay, where N, is the number of occupied
traps per unit area and N is the inversion carrier density. The + sign denotes
whether the trap is neutral or charged when filled.

The ratio of the fluctuations in the carrier number to fluctuations in oc-
cupied trap number is given by a general expression [89, 88|

) SAN, (6.68)

_S6AN N
" 6AN, N+ N+

R (6.69)

where N* = (kT/q2) (Coz + Cam + Cit). Typical values of N* is 1 — 5 x

10%°/cm?
The carrier mobility is related to the oxide trap density as follows
1 1 1

1
L ./ (6.70)
Hs Mn Kot 1229

where p,, is the effective surface mobility limited by ionized impurity scat-
tering, surface roughness scattering, and phonon scattering. The quantity
it = 1/aseNy is the mobility limited by Coulombic scattering of the mobile
carriers at trapped charges near the Si-SiOs interface. The scattering coeffi-
cient ay,. is a function of the local carrier density due to the screening effect
as well as the distance of the trap from the interface. The relationship is given
as follows [195].

(6.71)

The reduction of a,. with increase of N may be physically understood as
follows. As the inversion carrier density increases, the screening length and
the scattering cross section due to the screening by minority carriers reduces
and hence the scattering parameters decrease. In a weak inversion region,
screening due to minority carriers becomes less significant compared to that by
majority carriers. Because the majority carrier concentration does not change
much in the weak inversion region, the scattering cross section remains almost
constant with inversion carrier density. Therefore, in the weak inversion region,
a5 saturates to a value[195].



292 Nano-Scale CMOS Analog Circuits: Models and CAD Techniques

By differentiating (6.70) and substituting (6.69), the local drain current
fluctuation is given by

olps _ [R } AN, 672)

Ips

The corresponding PSD is written as follows

Ips \* (R 2
Saros (1) = (2 ) (o) Samtnd) 673

Here San, (y, f) is the PSD of the mean square fluctuations in the number of

occupied traps over the area WAy and is given by

ETW Ay
vf

In (6.74), E¢,, is the electron quasi-Fermi level, and +y is the attenuation co-
efficient of the electron wave function in the oxide. For the Si-SiO5 system,
v =108 /cm. From (6.73) and (6.74), we get

San,(y, f) = Ne(Epn) (6.74)

Ins \> (R 2 KTW Ay
=\ i A — =+ scHs N En - .
Saros (0:0) = (2 ) (R £ aem) MtE) S22 (o)
The total drain current noise PSD is given as
1 L
Satns () =75 [ Sarps(v.f)Audy (6.76)
0

Substituting (6.75) in (6.76) and changing the variables of integration, we
write

Vbs

_ qk:TIDS/st
SAIDS (f) = ,YfLQ

This is written in a compact way as follows

N\? R2
Ni(Eep) | 1 £ agets— | —dV 6.77
(Ep) (120w ) v 61

qkTIpsps [YP5 . R?
Sarps(f) = W/o N; (Bfn) 37 dV (6.78)

Here N;(Efy,) is the equivalent oxide trap density that produces the same
noise power in the absence of mobility fluctuations and is given as

N 2

In order to make the unified noise model suitable for circuit simulation pur-
poses, the BSIM compact model approximated N;(Ey,) as a three parameter
function of the channel carrier density as

N} (Efn) = A+ BN + CN? (6.80)
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where A, B and C' are technology dependent model parameters. The integra-
tion variable in (6.78) is changed as follows
R2

2kTIpsps (NP
g DSHs N{ (Epn)~—dN (6.81)

SAIDS (f) = ’7fL2Com Ne N

where Ng and Np are the inversion charge density at the source end and the
drain end of the channel respectively. The drain current noise PSD at the
three regions of operations is written as follows [30]:

Linear Region in strong inversion
In the strong inversion region, the charge density of the carrier is written as

qN(y) = Coz [Vas — Vr — aV (y)] (6.82)

From this, we have
qNs = ¢gN(0) = Coy [Vas — V1] (6.83)
qNp = Coy[Vas — Vr — aVps] (6.84)

where « is the bulk-charge factor. Therefore, the drain current noise PSD is
written as

Ns + N* 1
Sarps(f) =T [Aln (m) +B(NS—ND)§C (N2—-Np)| (6.85)
where 2y
_ q“KTIpsps
= 70&7]0[/2001 (6.86)

Saturation Region in strong inversion
The channel is divided into two parts: one part is from source L =0 to L = L
(velocity saturation region) and the other part L, is from the velocity satura-
tion point to the drain. Accordingly the flicker noise includes two parts. The
compact expression is given as follows

Ng + N* 1
Samps(f) = F{Aln<m)+B(NS—ND)+§C(NS2—N%)
KTI%4 A+ BNp + CN?

WL Ny s N (6.87)

where AL refers to the channel length reduction due to the channel length
modulation phenomenon.

Weak Inversion Region
In the weak inversion region, it is reasonable to assume that N << N* and
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N;(Ef,) = A+ BN+CN? ~ A. The flicker noise in the weak inversion region
is written in a simplified manner as follows:

AKTI%g

Sarps(f) = WINfN=2

(6.88)

The variation of the flicker noise normalized PSD for n-channel MOS tran-
sistor under all operating regions as obtained from SPICE simulation results
is shown in Fig. 6.22(a). In the strong inversion region, due to large numbers
of inversion carriers, the screening effect is significant. As a result, the car-
rier scattering is less and hence the noise is less. However, as the gate bias is
reduced, the number of inversion carriers reduce and the screening effect is
reduced. Consequently the carrier scattering increases, and hence the flicker
noise increases. In the weak inversion region, the inversion carrier concentra-
tion does not change much so that the flicker noise remains almost constant.
From Fig. 6.22(b), the weak dependence of flicker noise on drain bias is ob-
served.

The variation of the normalized flicker noise PSD for p-channel MOS tran-
sistor under all operating regions is shown in Fig. 6.23. It may be noted that
for p-channel MOS transistors, the mobility fluctuations play the dominant
role in comparison to the number fluctuations in determining the noise contri-
butions. However, the BSIM model does not properly explain the flicker noise
of p-channel MOS transistor especially in the weak inversion region.

Another interesting observation is that the flicker noise in the p-channel
MOS transistor is less than that of the n-channel MOS transistor by at least
an order of magnitude.

In Fig. 6.24, the 1/ f noise is shown for different gate lengths. The channel
width is fixed at 10um and the gate lengths are varied. It is observed that the
1/f noise power in the transistor is decreased as the gate length increases.

6.8 Gate Resistance and Substrate Network Model of
MOS Transistor for RF Applications

With the continuous scaling of CMOS technology, MOS transistors have be-
come attractive candidates for radio frequency (RF) applications, because of
low cost, high integration, and easy access to the technology [202]. It may
be noted that any frequency lying between 30KHz-300GHz is considered to
belong to the RF range. The compact models for MOS transistors were orig-
inally developed for digital and low frequency analog circuits. These models
focus on DC drain current, conductance, and intrinsic charge/ capacitance
behavior up to the megahertz range. However, with the increase of the oper-
ating frequency to GHz range, the extrinsic components of a MOS transistor
become equally significant compared to the intrinsic core components of the
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Variation of normalized flicker noise PSD for p-channel MOS transistor with
gate bias.
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Schematic diagram of a MOS transistor illustrating the parasitic components.

MOS transistor. Therefore, there are several additional requirements for MOS
models for RF circuit design. Some major additional requirements are [29] (1)
the model should include the non-quasistatic (NQS) effect, (2) efficient model-
ing of gate resistance, (3) extrinsic source/drain resistances should be modeled
as real resistors, and (4) the substrate coupling in a MOS transistor needs to
be modeled physically.

6.8.1 Parasitic Components of MOS Transistors

The various parasitic components of a MOS transistor are identified in Fig.
6.25 [29]. The parasitic components of a MOS transistor are (1) gate resis-
tance Rg, (2) gate-to-source/drain overlap capacitors Cgso and Capo, (3)
source series resistance Rg and drain series resistance Rp, (4) source-to-bulk
junction diode Dgp and drain-to-bulk junction diode Dppg, and (5) substrate
resistances Rgp, Rpp and Rpgp. The source and the drain series resistors
are added outside the intrinsic MOS model. This is because the internal series
resistors, discussed in Chapter 3 of the text, are used to calculate the drain
current considering the DC voltage drop across the resistors, but they do not
contribute anything in AC simulation in the sense that they do not add any
poles to the system transfer function. The gate resistance, although not part
of the compact model, plays a significant role in RF circuits. The substrate
resistors are added to account for the signal coupling through the substrate
[57].

The effects of these parasitic components are usually not profound in low
frequency analog circuit design, but play significant roles in determining the
high frequency circuit performances.
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6.8.2 Gate Resistance Modeling

The gate resistance influences the input matching to achieve maximum power
transfer and noise performances due to the thermal noise introduced by the
gate resistance. Therefore, it is essential to characterize the gate resistance of
a MOS transistor accurately for RF IC design [29, 94].

At DC and low frequency, the gate resistance mainly consists of the polysil-
icon sheet resistance. The resistance is thus given as

Rg = %Rgsh (6.89)
where Rggp is the gate sheet resistance per square of the material, W is the
effective channel width, and L is the effective channel length. The typical value
of the sheet resistance of a polysilicon gate material is 20 — 4092/0. This can
be reduced by a factor of 10 with a silicide process. At high frequency, two
additional physical effects come into action: (1) distributed transmission line
effect on the gate and (2) distributed or NQS effect in the channel.

The distributed nature of the gate is shown in Fig. 6.26(a). Because of
the distributed nature, the actual gate-to-source voltage Vs decreases as z
increases because of the finite voltage drop across the gate material. Fortu-
nately, as demonstrated in [117], it is possible to model an equivalent lump

resistance of magnitude

1w
-—Ras 6.90
3Lt (6.90)
The factor 3 accounts for the distributed RC effects when the gate electrode is
contacted at only one end. This factor is found to be 12 when the electrode is
contacted at both ends. The gate resistance model considering the distributed

transmission line effect is written as [29, 94]

RGpoly =

RGpoly = RGsh (CYW/L + Wewt) (691)

where « is either 1/3 or 1/12 and W,; is the extension of the polysilicon gate
over the active region.

In addition to the above, the distributed RC effect of the channel, i.e., the
non-quasi-static effect of the channel, needs to be considered for characterizing
the RF behavior of a MOS transistor. Under normal quasi-static operation it
is assumed that the potential and charge density at any given point in the
channel follows the applied bias voltage without any delay [1]. This is true
when the rise/fall time of the voltage change is greater than the transit time
of the carriers from source to drain. The channel charge is assumed to achieve
equilibrium once biases are applied, thus the finite charging time of the carriers
in the inversion layer is ignored. However, if the frequency of the applied
signal is very high and the rise/fall time becomes less than the transit time
of the carriers through the channel, the assumption that the channel charge
is only a function of terminal voltages does not hold good [1]. The channel of
a MOSFET can be viewed as a bias dependent RC distributed transmission
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Schematic diagram illustrating the distributed nature of gate and channel

resistance.
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line as shown in Fig. 6.26(b). Utilizing Elmore’s approach, the RC distributed
channel can be approximated by a simple RC equivalent, which retains the
lowest frequency pole of the original RC network. The Elmore resistance in
strong inversion region is given by [23]

L

Relmore = ——— 6.92
Elmore E,USWQn ( )

where Q,, = Coy,(Vies — Vi) is the inversion charge density and E is the Elmore
constant to match the lowest frequency pole. The value of this parameter is
found to be nearly 3 and is invariant with respect to W and L. However, in
BSIM3 model, this value if chosen to be 5 for better accuracy. The overall
channel resistance is given as

1 1
R chan — 6.93
Gk 7 <Rst + RElmore> ( )

where Rg; is the static channel resistance and is given by

Ry = / dV/Ips (6.94)
= Vps/Ips linear region (6.95)
= Vpssat/IDs saturation region (6.96)

and v is a fitting parameter.
The effective gate resistance is thus given by [29, 94]

Ra = Rapoty + Rachan (6.97)

In order to extract Rg, two port S-parameters are converted to Y-
parameters and the input resistance is given by

Rin = real (1/}/11) (698)

where the gate is connected to Port 1 and the drain is connected to Port
2. The extracted resistance value includes the values of Rg as well as the
source/drain resistance Rg/Rp. Knowing the values of the latter from DC
measurements, the values of Rg can be extracted from R;,.

6.8.2.1 Minimization of Gate Resistance

The distributive channel resistance component of the gate resistance is a fun-
damental component. On the other hand, it is possible to reduce the dis-
tributed gate component in an effective way through multi-finger layout. The
concept is illustrated in Fig. 6.27[85]. A MOS transistor of large width, say
10pm can be designed by connecting 10 MOS transistors in parallel, each
having a width of 1um. Therefore, the gate electrode resistance is reduced
by a factor of 100, because the resistance of each small transistor is 10 times
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Tllustration of the multi-finger layout concept.

smaller. With the concept of multi-finger the distributed gate resistance com-
ponent is written as

RGsh

Repory = (aW/L + Wezy) (6.99)
where N is the number of fingers. Using the multi-finger layout and metal
as the gate material, the distributed gate component can be minimized to a
large extent, and it can be neglected.

6.8.3 Substrate Network Modeling

The influence of the substrate resistance is non-negligible for RF IC design.
This is because the signal at the drain couples to the source and bulk ter-
minals through the source/drain junction capacitance and the substrate re-
sistance [193, 29]. The substrate resistance primarily influences the output
characteristics. It is desirable to consider the distributed nature of the sub-
strate resistances. However, it makes the models too complex to be considered
for circuit simulation purposes. Therefore, a lumped RC network model, ac-
curate up to the frequency of operation, is the preferred approach. A simple
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FIGURE 6.28
Equivalent circuit of the substrate network.

equivalent circuit for the substrate network is shown in Fig. 6.28. The various
resistor components in the equivalent circuit may be computed as follows

R shl
Rpsp = % (6.100)
Rpp =~ T;?/w (6.101)
Rsp =~ TIS;;U (6.102)

where Rpgpsh is the sheet resistance in the substrate between the source and
drain, and 7gpw, Tspw are the substrate resistances per unit channel width.

The gate and the substrate resistance model can be added with the intrinsic
MOS transistor and implemented in any circuit simulation framework. The
sub-circuit approach presented in this section is found to be quite useful and
accurate for RF IC design at least up to 10GHz.

6.9 Summary and Conclusion

This chapter presents some advanced issues related to nano-scale MOS transis-
tors which have significant effects in the circuit performances. With the scaling
down of the aspect ratio, the narrow channel effect is gaining importance day
by day. The effect on the threshold voltage can no longer be neglected. The
degradation of the circuit performances due to scaling of the MOS transis-
tors can be mitigated to a large extent at the device-level abstraction through
channel and gate engineering in an elegant way. The vertical and lateral chan-
nel engineered devices are now gaining importance for circuit design. This
chapter presents a comprehensive treatment on this issue. With the scaling of
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oxide thickness, the gate leakage current no longer becomes negligible. Leakage
current now plays a critical role in determining the circuit performances, by
limiting the intrinsic current gain. The conventional representation of the gate
of the transistor as a capacitor is no longer valid up to a certain input signal
frequency. The basic mechanisms of the gate leakage current are discussed in
this chapter, along with the effects of the leakage current in a comprehensive
manner. The use of high-x dielectric material as the gate material now be-
comes almost compulsory. The use of metals instead of the doped polysilicon is
also becoming important. The noise of MOS transistors is another important
issue which plays a critical role in determining the noise performance of the
total circuit. This chapter presents a detailed discussion about the modeling
and characterization of the two important noise sources, i.e., the thermal noise
and the flicker noise. Finally, the effects of various parasitic components such
as the gate resistance and the substrate resistance of MOS transistors are also
discussed in the context of RF IC design.






7

Process Variability and Reliability of
Nano-Scale CMOS Analog Circuits

7.1 Introduction

With the scaling of CMOS technology to the sub-90nm domain, yield and
reliability of integrated circuits become increasing challenges to the designers
as far as the design productivity and the design creativity gap is considered.
Smaller devices combined with new materials are the cause of the increasing
yield and reliability problems. The yield of a circuit is defined by the ratio of
the number of fabricated circuits which meet the design specifications out of
the total number of fabricated circuits, and is expressed in percentage. Relia-
bility is defined as the ability of a circuit to conform to its true characteristics
over a specified period of time under specified conditions. The two primary
causes of nonideal behavior of analog circuits are (1) imperfections in the fab-
rication process which includes both random and systematic errors and (2)
complicated physical behavior of MOS transistors in nano-scale regime under
various operating conditions. The degradation of circuit performances is found
to be both time independent and time dependent. The time independent vari-
ations of circuit performances are due to systematic and random variations
of manufacturing process related parameters. On the other hand, the time
dependent variations of circuit performance depend on the stress applied to
the device, i.e., the voltages and currents applied to the transistor.

This chapter presents an introductory overview of the various physical
causes of process variations and reliability issues on nano-scale analog circuits.
The effects on the circuit performances and the approaches for computer-
aided simulation of these are also discussed. This chapter therefore, attempts
to make the designers aware of the two most critical challenges of nano-scale
analog circuit design.
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7.2 Basic Concepts on Yield and Reliability
7.2.1 Yield

The drift of process parameters causes transistors to have characteristics dif-
ferent from those desired. These parameter drifts are caused by inherent prac-
tical and physical limitations associated with manufacturing steps such as
photolithography, etching, diffusion, etc. Failures due to parameter variations
are termed as soft faults. An estimate of the yield of good dice can be found
from probability theory in which n defects are randomly placed in a wafer con-
taining NV die sites. The probability Pj that a given die site contains exactly
k defects is given by the binomial distribution

n!

b= = h

N (N-—1)"* (7.1)

For large n and N, this is approximated by the Poisson distribution
/\k

P, = T &P (=) (7.2)
where A = n/N is the average number of defects per die. The yield is given
by the probability that a die is found with no defects

Y = Py = exp(—)) (7.3)
If A is the area of one die, then the area of the wafer is NA and Dg is the
defect density, then Dy = n/N A. Therefore,

n
A N o (7.4)

The yield based on the Poisson distribution is thus [134]
Y =exp(—DyA) (7.5)

The defect density is typically in the range of 1 to 2/cm?. For large dice with
DgA > 1, the yield predicted by the above model is somewhat pessimistic.
The two other commonly used models are the Seed’s model and the Murphy
model which are as follows [134]

Yy = exp(—\/A—Do) (7.6)

The soft faults effect yield in a statistical sense and play a major role in de-
termining the yield of analog circuits. The statistical distribution of a process
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Statistical spreading of process parameter I'.

parameter I’ measured over repeated processing runs is shown in Fig. 7.1(a)
and Fig. 7.1(b). In Fig. 7.1(a), T'ynin and Type, define a process window within
which the average value of the parameter lies. It is obvious that the cost of
fabricating an IC increases with a decreasing process window. The statistical
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variation of the process parameter across the wafer is shown in Fig. 7.1(b).
T4ctual is the average value of the parameter I' on a given wafer.

It is observed that the statistical variance at the wafer level is generally
much smaller than the variance at the processing level. The distribution func-
tion is usually found to be, or can be approximated to be a normal distribution
and is mathematically modeled as [71]

e 207 (7.8)

where m and o are the mean and standard deviation, respectively. The prob-
ability of a random variable z lying between two points x; and z2 is given by
the area under the normal curve from z; and xo, i.e., P(z; < 2 < x2) and is
given by

(z —m)?
1 /m *Td
P = — e o T
ovV2T Jg,
N R (7.9)
= _— (& A .
21 J

where z = (x — m)/o is called a normal variate. This can be written as

1 z2 2 #1 2
P=— [/ e */%dz —/ e ? ﬂdz} = Py(z) — Pi(2) (7.10)
Varm LJo 0
The values of the integral are readily obtainable from tables of the normal
probability distribution, which appear in most engineering mathematics text-
books [71]. Using this table it can be shown that (see Fig. 7.2.)

1. The area under the normal curve between rt = m—octox =m+o
is nearly 0.6826 ~ 68%. Thus approximately 2/3 of the samples lie
within these limits.

2. The area under the normal curve between x = m—20 to x = m+20

is nearly 0.9544~ 95.5%.

3. The area under the normal curve between £ = m—30 to x = m+30
is nearly 0.9973~ 99.73%.

4. The area under the normal curve between £ = m—60 to x = m+60
is nearly 0.999999998~ 99.9999998%.

7.2.2 Design Tolerance and Capability Index

It is now obvious that it is impossible to get a design which has zero perfor-
mance variations. Therefore, the designers need to establish specifications that
define not only the target value of something but also acceptable limits about
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the target. These design limits are often referred to as the upper and lower
specification limits or the upper and lower tolerance limits. Due to the various
sources of process variations, to be discussed later, the performance parame-
ters of a design are distributed around the statistical mean, the distribution in
most cases is normal (or can be approximated to be normal). It is important
for the designers to be aware of a relationship among the distributed values
of the various performance parameters and the design tolerance range.
The potential capability index is defined as [2]
yurL — YLTL
Cp = o (7.11)
where yr 71 is the lower tolerance limit and yyry, is the upper tolerance limit
and the design variation width is defined by 60 limit of the distributed per-
formance values. This is shown in Fig. 7.3. In an idealized normal distribution
case, a Cp = 1 indicates that the widths of the specification limits is the same
as the +60 width of the performance parameter variations. The value of the
parameter C, < 1 indicates that the design is not at all good as robustness
of the design is concerned, C}, = 1 means OK. On the other hand, C, = 2
represents that the design is very good. Therefore, a design for which C}, = 2
should be the desired goal for a designer.
However, the parameter C), alone is not sufficient to estimate the robust-
ness of a design. This is illustrated in Fig. 7.4. Another metric referred to as
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Schematic illustration of potential capability index.

the process capability index which signifies the position of the mean and tails
of the design distribution relative to design specification is therefore, required.
This is mathematically defined as [2]

Yy—yrLrr YyurL —Y (7.12)

Cpr = mi
ph = T 30 ’ 3o

where g is the statistical mean of the distributed values of the performance
parameter y, yr 7, is the lower tolerance limit, and yy 7y, is the upper tolerance
limit and the design variation width is defined by 3¢ limit of the distributed
performance values. The C, parameter signifies the smartness of the design
and Cly; signifies the positioning of the design within the specification limits.
This leads to the concept of design centering, which is illustrated in Fig. 7.5 for
a hypothetical design space. The basic idea of the design centering is to place
the synthesized design at the center of the acceptable specification space, and
that with the variation of the design parameters due to process error will not
be able to push the design out of the acceptable specification space.

The probability that the design distribution lies inside the design specifi-
cation window is given by

22
P= —/ e dz 7.13
=/ (7.13)

In order to design a robust circuit, the designer may need to optimize a
cost function consisting of both C), and Cjy, in some suitable format [2].

7.2.3 Reliability Bathtub Curve

Reliability is measured by the probability that a device will perform its re-
quired function under stated conditions for a specific period of time. The
lifetime of an integrated circuit is divided into three distinct phases, which
are shown in the famous reliability bathtub curve, shown in Fig. 7.6.
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The first phase is referred to as the infant mortality rate. This is the phase
during which the circuits which are manufactured with the extreme values
in the tolerance region tend to fail very early in their operation. The designs
which are not centered in the acceptable specification space therefore have a
high probability of failure at this stage. This type of failure can be reduced
either by improving the manufacturing process technology or by proper design
centering. The first option is not in the hands of the designers, so that the
second option is the preferred one. Another common practice done by the
manufacturers is to identify the set of mal-manufactured devices and throw
them away. All the manufactured circuits are subjected to elevated operating
conditions for a short time to induce accelerated stress. With this the circuits
which are close to the periphery of tolerance region eventually fail and are
thrown away. Although this reduces the yield, it saves the manufacturer from
the embarrassment of failure in the field during the promised warranty period.

The second phase is the normal operating life. This is the period in which
the circuit operates per the specifications. The failure rate is low and remains
fairly constant. The failure primarily occurs due to corner case operations
that are not taken care of during the design, soft errors due to radiation,
and exceeding the allowed operating conditions. However, the latter is of no
concern to the designers and manufacturer since the operating conditions are
in most cases detailed in the specification data sheet.

The third phase is referred to as the wear out phase. As the circuits begin
to fatigue or wear out, failures occur at increasing rates. This is a natural phe-
nomenon in all the semiconductor materials under stress. The various sources
of wear out failures in integrated circuits are discussed in this chapter. The
designer does not have any control over them except to employ safety margins
in the design which may extend the normal operating life of the circuits.

It is interesting to note that the reliability curve of any human being is
identical to that explained above. The mortality rate is higher for children, be-
comes constant at young ages and again increases when a person becomes old.
The design specifications are the various disciplines that need to be followed
in life for a normal and long healthy life.

7.3 Sources of Variations in Nanometer Scale
Technology

The fundamental difference between nanometer-scale circuits and those built
in their predecessor technologies is that the nano-scale circuits are subject to
a wide range of new effects that induce on-chip variations. Such variations
cause significant deviations from the prescribed specifications for a chip. The
various sources of variations that critically affect the performances of a chip
are broadly classified into three types [165]. These are (1) process variations,
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Sources of Variations
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Classification of the various sources of variations.

(2) environmental variations, and (3) aging. These are in turn sub-divided
into some classes as shown in Fig. 7.7.

7.3.1 Process Variations

The modern IC manufacturing process typically requires many steps. Despite
the advances in fabrication techniques, there still exist systematic or random
errors during each fabrication step. Process variations thus occur when a cir-
cuit is manufactured, and cause process parameters to drift from their designed
values. From a circuit design perspective the parametric process variations are
typically divided into two major groups which are [104]: (1) inter-die varia-
tions or global variations and (2) intra-die variations or local variations. These
are shown in Fig. 7.8. The inter-die variations are characterized by lot-to-lot,
wafer-to-wafer, or die-to-die fluctuations in the process. Such variations affect
all transistors in a given circuit equally. On the other hand, the intra-die vari-
ations correspond to variations within a single die. Such variations may affect
different transistors differently on the same circuit. The inter-die variations
are systematic in nature and hence cause movement of the statistical mean.
On the other hand, the intra-die variations are generally random in nature
and cause variations around the statistical mean, as shown in Fig. 7.9. The
inter-die variation is generally much larger than the intra-die variation. Sys-
tematic variations can be handled through layout design and more controlled
resolution enhancement techniques (RETs). However, handling the effects of
random variations requires innovative process and circuit design techniques
and device modeling. Therefore, in nanometer technologies, random intra-die
variations have become significant and can no longer be ignored [163].
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7.3.2 Environmental Variations

Environmental variations correspond to the changes during the operation of
a circuit. These mainly include variation in the supply voltage (Vpp) and the
temperature variation.

With the scaling of the technology node, the power supply level has reduced
which in turn has decreased the tolerance to voltage changes within the power
distribution networks in CMOS integrated circuits. Run-time fluctuations in
the supply voltage levels in a chip cause significant variations in parameters
such as gate delay. A small fluctuation in the gate-delay value may even result
in the logic failure of the whole circuit.

The impact of temperature on the functioning of a chip is an important
factor in inducing variation. It causes transistor threshold voltages to go down,
and carrier mobilities to decrease [192]. Threshold voltage decrease tends to
speed up a circuit, while mobility reduction slows it down. Depending on
which effect wins, a circuit may show either negative or positive or mixed
temperature dependence if the trend is nonuniform. Leakage power also in-
creases with temperature [154]. If this increase is substantial, the increased
power can raise the temperature further, causing a feedback cycle. This can
even cause thermal runaway, where the increase in the power goes to a point
that cannot be supported by the heat sink, and the chip burns out.

7.3.3 Aging Variations or Reliability

Reliability is an important issue in VLSI circuits. The reliability of a design
is often degraded by various causes ranging from soft errors, electromigration,
hot carrier injection, negative bias temperature instability, crosstalk, power
supply noise, and variations to the physical design. With the continual scaling
down of circuit designs, the issues pertaining to reliability have a greater
impact within the design. Given this problem along with the demand for
high-performance designs, chip designers are faced with the objective to design
reliable circuits with high yield, high performance and energy-efficiency.

7.4 Systematic Process Variations

As the semiconductor process technology scales into nanometer dimension, the
printability and process window of the finer lithographic patterns are signifi-
cantly reduced due to the fundamental limit of the microlithography systems.
As for now, leading IC fabs still use the 193nm lithography systems to print
sub-wavelength feature size (e.g., 65nm or even 45nm), with the aid of vari-
ous sophisticated resolution enhancement techniques (RET), such as optical
proximity correction (OPC), phase shift mask (PSM), etc. [31]. However, the
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complex steps of these lithographic techniques increase the risk of process
variations even further. These process variations are found to be systematic
in nature. Apart from the RETSs, layout induced strain, well-proximity effect,
etc., are some other sources of systematic process variations. The systematic
sources of process variation can be mitigated either by more controlled RETs
or can be modeled and subsequently incorporated in the design. This section
introduces some major sources of systematic process variations.

7.4.1 Optical Proximity Correction

While the layout of an integrated circuit is transferred from the mask to
the semiconductor by different imaging mechanisms, it may get distorted.
This happens primarily due to the limitations of the light used to maintain
the edge placement integrity of the original design, after processing, into the
etched image on the silicon wafer. The projected images therefore, appear
with irregularities such as line widths that are narrower or wider than de-
signed; the sharp corners appear to be rounded, etc. The sharp features are
lost because of the fact that the higher spatial frequencies are lost due to
diffraction phenomenon. Optical proximity correction (OPC) is the technique
of pre-distorting the mask patterns such that the printed patterns are as close
to the desired shapes as possible [31]. The pre-distortion is achieved by moving
edges or adding extra polygons to the pattern written on the photomask. The
method of adding extra polygons is illustrated in Fig. 7.10. The amount of
pre-distortion, i.e., the correction required is determined by different numeri-
cal techniques. There are mainly two approaches: rule-based and model-based
correction, among which, in practical cases it is found that the model-based
OPC is preferable [31]. However, the conventional model-based OPC assumes
nominal process parameters. The OPC technique, being a photomask tech-
nique, inevitably suffers from process variations due to variations in focus and
dosage. Therefore the correction technique has to be even more sophisticated.

7.4.2 Phase Shift Mask

Application of photo shift mask (PSM) in photolithography is another strong
resolution enhancement technique [111, 31]. The photo-mask which is used
in the photolithography technique consists of some opaque and transparent
spaces of the mask. The imaging degrades because light from clear areas on
the mask is diffracted into regions that ideally would be completely dark. The
nominally dark region gets light diffracted into it from space on both the left
and right. The idea behind PSM is to modify the mask so that alternating clear
regions also cause the light to be phase shifted by 180°. The phase shifting
mask consists of a normal transmission mask that has been coated with a
transparent layer patterned to ensure that the optical phases of the nearest
aperture are opposite. As a consequence, the diffracted light in the nominally
dark area from the clear area to the left will interfere destructively with the
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light diffracted from the right clear area, improving the image contrast (see
Fig. 7.11). For best contrast the phase shift is needed to be accurately achieved
by proper thickness of the phase shifter. However, this RET also brings in
process variation through its involved lithographic steps because the steps are
highly process sensitive. Due to rigorous diffraction effects the intensities of the
lines deviate from each other causing 0/7 CD (critical dimension) variation
in the image. In addition to that, deviation from precise control over the
phase determination introduces some variation in the desired design. Better
controlled PSM can only reduce the process induced variation of the designed

parameters.

7.4.3 Layout-Induced Strain

The performance of devices with identical geometry varies not only because
of the lithography related geometry variations but also because of the layout
determined strain variations due to different spacing between the devices,
different distances to the shallow trench isolation, and different numbers and
positions of contacts. The STI is the preferred isolation technique over the
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traditional LOCOS technique for the sub-0.5 m technology. But STI induces
mechanical stress in the device which affects the device performance [51]. The
stress gets transferred to the device channel and in fact, enhances carrier
mobility for p-channel transistors but unfortunately reduces mobility for n-
channel transistors. As a result the device performances suffer from variations
from its expected nature. The effect of stress being well predictable can be
simulated and modeled and hence can be incorporated in the design.

7.4.4 'Well Proximity Effect

Highly scaled bulk CMOS technologies make use of high energy implants to
form the deep retrograde well profiles needed for latch-up protection and sup-
pression of lateral punch-through. During the implant process, some atoms can
scatter laterally from the edge of the photoresist mask and become embedded
in the silicon surface in the vicinity of the well edge [79], as illustrated in Fig.
7.12. The gate-to-well-edge distance SC determines the number of ions scat-
tered into the channel region and controls the performance of the device. The
result is a well surface concentration that changes with lateral distance from
the mask edge, over the range of 1um or more. This lateral non-uniformity
in well doping causes the MOSFET threshold voltages and other electrical
properties to vary with the distance of the transistor to the well-edge SC.
This phenomenon is commonly known as the well proximity effect (WPE).
However, the effect of WPE can be mitigated by increasing the distance from
the gate edge to the well edge. When the distance from the gate to well edge
is greater than 2um, the WPE effect is very small. But if the corresponding
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distance is less than 1um, significant increase of threshold voltage is possible
[112].

7.5 Random Process Variations

Addressing the impact of random process variation on device/circuit perfor-
mance is even more important in present day CMOS circuit design as in-
novative design techniques are sought after. The random process variations,
which occur within a die (intra-die), between one device to another are com-
pletely statistical in nature. These sets of variations are the most critical con-
cern in sub 90 nm VLSI design. Different sources of process variation which
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fall under this category are random discrete dopant (RDD), line edge rough-
ness/line width roughness (LER/LWR), oxide thickness variation (OTV), and
poly-silicon/metal gate granularity.

7.5.1 Random Discrete Dopants

Random discrete dopants (RDD) which are currently the major sources of
random process variations result from the discreteness of the dopant atoms in
the channel region of a MOS transistor [163]. A common practice to control
the threshold voltage of a MOS transistor is to dope the channel region with
dopant atoms. For a MOS transistor with effective channel length L, effective
channel width W and source-drain junction depth z;, if the channel is doped
with concentration N.p, the total number of dopant atoms within the channel
volume is given by

Nr = Nep W.L.x; (7.14)

It is therefore clear that with the continual down scaling of MOS technology,
the total number of channel dopant atoms reduce even with increase in the
channel doping concentration. It has been observed that a transistor in 1um
technology has about 5000 dopant atoms whereas that in 45-nm technology
has only about 100 [104]. The number of dopant atoms in a transistor chan-
nel is a discrete statistical quantity, as shown in Fig. 7.13. Therefore, in an
integrated circuit, the electrical characteristics of two transistors placed side
by side will be different because of the randomness in a few dopant atoms. It
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may be noted that such randomness in the number of dopant atoms occurs
even in SDE doping and halo doping. The major effects of RDD are signifi-
cant variations in the threshold voltage, variations in the overlap capacitance
caused by uncertainty in the position of SDE dopants under the gate, and
variations in the effective source-drain series resistance.

Considering uniform channel doping, the effect of RDD on threshold volt-
age fluctuation for a large geometry MOS transistor is given by [182, 192]

g NaWam
oVr.roD = o\ 3ow (7.15)

where Wy, is the depletion depth. For non-uniform doped transistors, N4 is
to be replaced with Ny, which is written as [190]

”chn 2
T dx
Nerr =3 N 1-— 7.16

where N(z) is the charge density along depth. With the scaling of CMOS
technology, the device area LW decreases, so that the threshold voltage vari-
ability caused by RDD increases. However, RDD decreases with scaling of
oxide thickness. It is found that RDD is a major contributor, over 60% to
the threshold voltage mismatch. As a result, the process variations due to
RDD cause significant variations in the drain current Ipg mismatch in analog
circuits and also off-state leakage current in digital circuits and SRAM noise
margins. The statistical fluctuations of the gate characteristics of an n-channel
MOS transistor due to the RDD effect, as obtained from SPICE simulation
results is shown in Fig. 7.14(a). The statistical distribution of the threshold
voltage extracted from the curves is shown in Fig. 7.14(b). The SPICE simu-
lation is performed through Monte Carlo analysis with the SPICE parameter
VTHO. The doping concentration is taken to 3.24 x 1018/cm3. The oV rpDD
comes out to be 26.52mV. From the distribution curve, the statistical mean of
the threshold voltage is found to be 0.370V. The threshold voltage is extracted
through the constant current method.

7.5.2 Line Edge Roughness

The critical physical dimensions of a semiconductor structure are defined by
the process of lithography by exposing a light sensitive material (photo-resist).
Until the 180nm node, the wavelength of light used to pattern these critical
dimensions is scaled with the smallest of the dimensions to be patterned. In
this regime lithography-induced variations were a result of lens imperfections,
mask errors, illumination non-uniformity, and contributions arising from re-
sist non-uniformities. At the 180nm node, scaling of the wavelength of light
used for patterning ceased at 193nm due to increased cost of lithography
technology, materials, and equipment development and deployment. The re-
sulting lithographic defocus causes both systematic and random line edge and
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Effects of random discrete dopants as obtained from SPICE simulation results.
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line-width variations in poly-gate patterning. During resist development, poly-
mer aggregates along the edge of the mask are non-uniformly dislodged from
their surrounding polymer matrix due to their different dissolution rates. This
causes the formation of line-edge roughness (LER)[104]. Line edge roughness
(LER) from two coupled edges leads to line width roughness (LWR). There-
fore, LER is the phenomenon which causes LWR and it has been found that
LWR is /2 times the LER [102]. This is shown in Fig. 7.15. It is observed
that LER is the fluctuation of a line about its mean value for a given edge
and LWR is the fluctuation of line width about its mean value averaged over
the width W.

In order to characterize the distortion of the gate edge, a simplified model
of a rough line as shown in Fig. 7.16 is considered [36]. The roughness in
the gate edge is characterized by high frequency roughness and low frequency
roughness. The gate is divided into segments with characteristic width W,
which characterizes the change at which the low frequency part changes the
gate length. Within this portion, only high frequency roughness is present. If
there is no correlation of the variation along the two edges, standard deviation
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of the channel length variation due to LER/LWR is calculated to be [36]

(7.17)

The edge locations of two different segments are uncorrelated and have a
standard deviation oy gr. The typical value of the amount of LER is 3o,gr =
4nm [10]. As the edge fluctuation does not scale with technology scaling down,
LER/LWR are expected to have more serious impact on sub-45nm devices.
It may be noted that LER and RDD are statistically independent, such that
[207]

OV total = \/(O'VT.RDD)2 + (UVT,LER)2 (7.18)

The statistical fluctuations of the gate characteristics of an n-channel MOS
transistor due to the LER effect, as obtained from SPICE simulation results
is shown in Fig. 7.17(a). The statistical distribution of the threshold voltage
extracted from the curves is shown in Fig. 7.17(b). The SPICE simulation is
performed through Monte Carlo analysis with the SPICE parameter X L. The
parameter W, is taken to be 30nm. The standard deviation and statistical
mean of the threshold voltage as extracted from the statistical distributions
are found to be 11.30mV and 0.368V.
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7.5.3 Oxide Thickness Variations

The gate oxide formation, though a well-controlled process, becomes critical
when the oxide layer becomes only a few atomic layers. With SiO5 gate oxide,
variations of a single monolayer (approximately 0.2nm) are typical and result
in 20% shifts in oxide thickness. In this condition physical limitations, such
as interface roughness and oxide-layer non-uniformity lead to increased vari-
ability of the effective oxide thickness. Threshold voltage Vi which is strongly
correlated with the oxide thickness t,, fluctuates significantly with fluctuation
of t,, when MOSFET dimension goes below 30 nm, and becomes compara-
ble to threshold voltage fluctuation due to RDD [11]. Variation in the oxide
thickness can affect carrier mobility as well. The gate leakage current (due to
tunneling) also depends on the oxide thickness. Therefore variation in oxide
thickness will affect these device parameters as well, causing them to vary
from their mean position.

The statistical fluctuations of the gate characteristics of an n-channel MOS
transistor due to the OTV effect, as obtained from SPICE simulation results
is shown in Fig. 7.18(a). The statistical distribution of the threshold voltage
extracted from the curves is shown in Fig. 7.18(b). The SPICE simulation is
performed through Monte Carlo analysis with the SPICE parameter TOX E.
The threshold voltage variation due to oxide thickness is also statistically
independent of RDD and LER so that [163]

OV total = \/(UVT,RDD)2 + (ovp,per)’ + (0v0rv) (7.19)

The contributions of the three effects on the two chosen performance param-
eters is shown in Fig. 7.19.

7.5.4 High-x Dielectric Morphology and Metal Gate Granu-
larity

The high-x-metal gate technology introduces a significant amount of process
variability because of interface roughness between Si and the high-« dielectric,
and between the high-x dielectric and the metal gate [163, 199]. The variation
in the metal grain crystal orientation results in variation in the work func-
tion due to the different surface densities of polarization charges. Such work
function variations lead to corresponding local threshold variations in the gate
region.

7.6 Statistical Modeling

Because of variability constraints, a circuit optimized using conventional de-
terministic design methodology is more susceptible to random process fluctu-
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ations. Therefore, statistical design methodologies have become indispensable
for modern VLSI circuit design [163]. Hence, accurate characterization and
modeling of random intra-die process variations for circuit simulations are
very important for accurate prediction of design yield and to achieve the ben-
efits of the statistical design methodologies. Therefore it is essential to have
accurate compact device models, an idea of the statistical variations of the
compact model parameters, knowledge of the sensitivity of these models to
process variations, and ultimately an awareness of the sensitivity of a given
design to process variations. The various approaches to model the effect of pro-
cess variation on CMOS circuits are discussed in the following sub-sections.

7.6.1 Worst Case Corner Analysis

Worst case analysis basically consists of considering the results of the worst
combinations of the extreme fluctuations in an IC process in order to evaluate
the range of circuit performance variations. The worst case corner models are
generated by setting each process sensitive compact model parameters at a
value deviated from their corresponding nominal values by some fraction of
their respective standard deviations. In the case of MOSFETSs, nominal val-
ues are captured in what is known as a ‘typical’ or TT library, while extreme
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process values are captured in 4 corner libraries called FF, SS, FS, and SF
(referring to fast NMOS and PMOS, slow N and P, fast N/slow P, and slow
P/fast N, respectively). The TT model is generated from the measured data
on a single golden wafer corresponding to the central-line process. Figure 7.20
describes the data spread from its typical value and position of the corners.
Here o represents the standard deviation calculated from the measured data.
Conventionally, the process variability is modeled by the worst case four cor-
ners, two each for analog and digital applications. While the SS and FF corners
are used for analog circuit modeling, the F'S and SF corners utilized for digital
circuit generation. The advantage of this design corner approach is that the
corner models are supplied to the designers so that the circuits can be simu-
lated at each of the four process corners. But, there are some problems with
this approach. The fixed corners tend to be too pessimistic. As illustrated in
Fig. 7.20, there are some extreme combinations of process parameters that are
too unrealistic. Thus, a corner-based methodology often leads to over design.
Moreover, while generating the corner parameters, the correlation between the
core model parameters are ignored. Therefore, the design may still work, but
it will take a larger die area and more design effort to achieve the same func-
tion. This approach therefore, does not provide adequate information about
the robustness of the design. It may however, be noted that because of the
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simplicity of the approach, until recently this is the most common technique
used by the designer for estimating the robustness of the design.

7.6.2 Monte Carlo Simulation Technique

In the Monte Carlo methodology, the statistical model can be implemented
based on measured/extracted SPICE parameters. The variation sources are
usually represented by a set of independent random numbers with Gaussian
distributions, which are directly or indirectly linked to the parameters in a
compact model so that Monte Carlo simulation can be performed. This forms
a large database of process related SPICE parameters and for each sample of
the database, the performance parameters of the circuit are simulated through
SPICE simulation. The statistical distribution of the performance parameters
corresponding to each sample of the process database are estimated by de-
termining the mean and the standard deviation. The yield is obtained as the
fraction of samples that are accepted. The design flow of the Monte Carlo
simulation-based statistical modeling is shown in Fig. 7.21. The problem of
Monte Carlo simulations, however, is that hundreds of simulation runs have
to be performed, and depending on the complexity of analog/mixed-signal cir-
cuits this may take several simulation hours to be completed. However, some
strategies are available to reduce the sample size such as variance reduction
techniques, stratified sampling, ete. [92].

7.6.3 Statistical Corner Technique

The basic idea behind the development of the statistical corner technique is to
make the design corner technique more realistic by adding a realistic value of
the standard deviation of the corresponding model parameter to its nominal
value. For statistical corner analysis, statistical compact models are required,
which are generated by the data obtained from different dies, wafers, and
wafer lots collected over a period of time [13], [37]. The design flow of the
statistical corner technique is shown in Fig. 7.22. The measured data may
be the current-voltage (I-V) or the capacitance-voltage (C-V) measurement
data for a MOS transistor device. In absence of actual measurement data,
which are fairly common for new process technology, the production data
may consist of calibrated TCAD simulation results. But for the realization of
the statistical nature of the data, a large number of simulations are required
to be performed. Now by applying suitable extraction procedure the SPICE
model parameters are found from the measurement /simulated data. This type
of model being derived from measured data, is much more realistic than WC
corner models. These models give reasonably accurate results but are com-
putationally intensive as parameters are required to be extracted from huge
numbers of measurement /simulation data. Development of statistical compact
models based on BSIM4 and PSP is reported in [28].
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7.6.4 Mismatch in Analog Circuits

MOS transistor matching in analog CMOS applications deals with statistical
device differences between pairs of identically designed and identically used
transistors [143]. Mismatch is considered to be the key to precision analog IC
design. Transistor mismatch limits the accuracy of circuits and has important
implications on the performance of several circuits such as offsets of opera-
tional amplifiers or comparators, on the bit accuracy of ADC and DAC, and
on the power- supply-noise and common-mode rejection ratios in differential
structures.

The drain current mismatch of two closely spaced, identical transistors
with zero source-bulk bias, is modeled by the random variation of the dif-
ference in their threshold voltage AVy = APi(say) and the current factor
AB = APy(say) where 8 = p;Coyr (W/L)[52].

Assuming mismatch in the input parameters to be smaller than the pa-
rameter itself, we can expand the relative mismatch in the drain current as
first-order Taylor series as

Ay 100p, . 100

Ip Ip 0P, Ip 0P,

A first-order Taylor series assumes a linear mapping between the input process
parameters and the electrical parameters. The statistical distribution of the
mismatch of drain current between a pair of transistors may be characterized
by its mean may, /1, and standard deviation oaz, /1, - These are written as

1 dIp 1 dIp

AP, (7.20)

_ 19dp - %p 7.21
MAIL/Ip Iy 0D, map, I, 0D, map, (7.21)
” _ (Lo e L (L0
Alp/Ip IpopP, ) ~Ah Ip 0P, ) “AP
2 dlp dlp /2
2 TDZD oy (AP, AP
12 0P, 0P, cov (AP, 2)]

(7.22)

Here cov(APy, AP,) represents the covariance between the mismatches in Py
and Ps.

The drain current mismatch due to threshold voltage mismatch can be
written as

Z&ID 1 8ID 9m
— = — —AVpr =2 -—=—AV, 7.23
Ip Ipovp ' 7 I, 0 F (7.23)
Therefore,
2
9m
UQAID/ID = (E) UQAVT (7.24)

The drain current mismatch due to the current factor mismatch may be writ-

ten as
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Both in the saturation and linear region, it is easy to show that
Alp  Ap
Ip B

Neglecting the mobility fluctuation and assuming that p is constant, the

current factor mismatch arises only from OTV and channel length mismatch.
Therefore,

(7.26)

op op

AB = GpAL+ oAty (7.27)
B B
= AL Aty (7.28)

oxr

Hence,
A AL Aty

/3 L tOI

The variance in drain current mismatch due to current factor mismatch be-
comes

(7.29)

2 2 2 2
OAIp/Ip = OAB/8 = OAL/L T OAtoy/ton (7.30)
Therefore, the complete drain current mismatch model becomes

Al Al Al
=b _ =P it 24 (7.31)
Ip Ip |avy  Ip lapys
2
9m gm 1
UQAID/ID = (E) U2AVT + Uiﬁ/ﬁ — QE.BCO’U (AB, AVy)
(7.32)

The variation of the drain current mismatch of a MOS transistor with re-
spect to the gate-bias and the corresponding dependence on the area of the
transistor is shown in Fig. 7.23(a) and 7.23(b). It is observed that the drain
current mismatch is maximum in the weak inversion region and reduces as the
operating point moves toward the strong inversion region. Also, the mismatch
reduces with increase in the area of the transistor. This is referred to as the
Pelgrom’s law [143].

7.7 Physical Phenomena Affecting the Reliability of
Scaled MOS Transistor

The major physical phenomena affecting the reliability of analog circuits are
(1) time-dependent dielectric breakdown, (2) hot carrier injection, and (3)
negative bias temperature instability. These phenomena are described below
at an introductory level in the following sub-sections.
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Drain current mismatch.
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FIGURE 7.24
Polarized dielectric medium.

7.7.1 Time Dependent Dielectric Breakdown (TDDB)

The time dependent dielectric breakdown phenomenon in gate oxides is an
irreversible reliability phenomenon that results in a sudden discontinuous in-
crease in the conductance of the gate oxide at the point of breakdown, as a
result of which the current through the gate insulator increases significantly
[192]. The breakdown of a gate dielectric insulator occurs due to the applica-
tion of a high electric field (such as 5MV /cm) over a period of time. There are
several theories explaining the TDDB phenomenon. Among them the two most
important theories are the anode hole injection theory and the percolation the-
ory. However, before going into the details about the TDDB phenomenon in
scaled MOS transistors it is important to understand the electrostatics of any
dielectric medium.

7.7.1.1 Electrostatics in Dielectrics

An ideal dielectric material is one which does not contain any free charge [27].
The molecular charges present in a dielectric material are not free to move very
far; they are called bound charges to distinguish them from the free charges
of a conductor. Due to an applied external electric field, the entire positive
charges inside the dielectric are displaced with respect to the negative charges.
The dielectric under such conditions is said to be polarized (see Fig. 7.24).
The electric displacement vector D is defined by

D=¢eé+ P (7.33)

where € is the free space permittivity and P is the electrical polarization vec-
tor and € is the electrical field due to both bound charges as well as free charges
within the dielectric. The functional relationship between the polarization P
and the electric field € is given by the following constitutive relation

P = eoxé (7.34)
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where y is a dimensionless parameter, referred to as the electrical susceptibil-
ity. The displacement vector is therefore, related to the electric field as follows
[27]

D = eFE = egré (7.35)
where € is the permittivity of the dielectric material. The quantity s given by
k= =14y (7.36)

€0

is referred to the as the relative permittivity or the dielectric constant of
the material. The dielectric material for which the dielectric constant « is
a constant is referred to as the linear dielectric. If the susceptibility y of a
dielectric material does not depend on the direction of the electric field, it
is referred to as an isotropic dielectric. With the application of a sufficiently
high electric field, the linear relation between P and & no longer remains valid;
the dielectric breaks down, which implies that the electrons are pulled out of
the molecules. The material ceases to act as an insulator since the electrons
torn away from the molecules become conducting. The critical electric field at
which the dielectric breakdown occurs is referred to as the dielectric strength
of the material. For air, the typical value of the dielectric strength is about
3x10%V/m and for most of the solid dielectrics, it is a few times 108—102V/m.

7.7.1.2 Energy Band Theory of Dielectric Breakdown

The phenomenon of dielectric breakdown can be also understood from the
energy band theory [27]. According to the energy band theory, for dielectric
materials, the band gap E, between the bottom of the conduction band and
the top of the valence band is very high. At ordinary temperature, the electrons
do not possess sufficient thermal energy to cross the band gap and reach the
conduction band. Even with small amount of electric field, the electrons in the
valence band cannot carry a current because the valence band is completely
filled up. However, if the applied field is sufficiently large, the electrons in the
valence band can move into the conduction band by accepting energy from
the field. These electrons in the conduction band become free electrons and
hence take part in current conduction. Correspondingly holes are created in
the valence band which also take part in current conduction. The dielectric
breakdown has now occurred, and both the free electrons and holes carry
currents.

A rough estimate of the dielectric strength can be made from the energy
band theory. If £, is the dielectric strength, the force on an electron of charge
q is g¢.. The energy gained by an electron in moving between successive atoms
is given by ¢€..a where a is the lattice constant of the material. As a rough
approximation, the dielectric breaks down when this energy equals the band
gap energy F,. Therefore, the dielectric strength can be estimated as follows,

g = (737)
qa
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Schematic illustration of the anode hole injection mechanism.

7.7.1.3 Anode Hole Injection Theory

With the application of a large positive bias in the gate electrode, electrons
in the strongly inverted surface tunnel into the conduction band of the oxide
layer through the F-N tunneling mechanism [169, 185] discussed in Chapter
6 of this text. The electrons, by gaining energy from the electric field, become
hot electrons in the gate oxide. These electrons arrive at the anode (electron
sink, i.e., the gate electrode) and cause impact ionization in the anode near the
oxide-anode interface. Electron-hole pairs are generated. Some of the tunneled
electrons elastically transfer their entire energy to deep valence band electrons,
so that the holes generated become hot holes. These hot holes have high
probability of being injected into the oxide layer. The anode hole injection
process is schematically illustrated in Fig. 7.25 [192]. The injected holes can
be trapped in the oxide layer while traveling toward the cathode (electron
source, i.e., the inverted surface). These cause an increase in the oxide field
&,z near the cathode and a decrease in the oxide field near the anode. This in
turn increases the F-N tunneling current. The hole trapping in the oxide near
the cathode therefore, provides a positive feedback to the electron tunneling
process. Eventually this positive feedback leads to a runaway of the electron
tunneling current at some local weak spots of the oxide.

A suitable parameter to characterize breakdown due to charge injection is
the “charge-to-breakdown” QQpp, which is defined as

tBD
QBp = / Jdt = Jtgp C/em® (7.38)
0
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FIGURE 7.26
Percolation of defects and breakdown of ultra-thin gate oxide.

where tpp is the time necessary to breakdown. Referring to the discus-
sion in Chapter 6, regarding the F-N current, the time-to-breakdown tgpp
is found to be inversely proportional to the applied electric field &, i.e.,
tpp o exp (8/&), where B is the electric field acceleration factor. The re-
ciprocal field dependence is a consequence of the Fowler—Nordheim current,
which is the driving force for the breakdown. Because of the 1/¢,, dependence,
the anode hole injection theory is sometimes referred to as 1/E model where
FE signifies the energy.
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7.7.1.4 Percolation Theory

The anode hole injection theory is found to give good explanations of ex-
perimental observations under high stress field. However, for the scaled MOS
transistors with scaled oxide thickness and supply voltage, the percolation
theory [185, 176] depending upon the generation of traps and conduction of
current through these traps is found to be the better physical model for pre-
diction purposes. This theory is explained as follows.

According to the percolation theory when the defects are dense enough to
form a continuous chain connecting the gate to the semiconductor, a conduc-
tion path is created and catastrophic breakdown occurs. The concept does not
depend in any way on the physics of defect generation. A series of schemat-
ics illustrating the percolation of defects and ultimate breakdown of the gate
dielectric is illustrated in Fig. 7.26 [185]. Oxide traps/defects are generated
throughout the volume of the dielectric. As the generation process continues,
the defects can connect electrically to the anode, cathode, or to nearest neigh-
bors. If two neighboring defects overlap or are so placed that they come in
contact with one of the electrodes, conduction is possible. Breakdown occurs
when a continuous path from one electrode to the other is created through
the defects. Two important obvious conclusions are (1) if the oxide is made
thinner a percolation path can result with a lower critical defect density Ngp,
(2) a device with a larger area would also have a higher probability of having
overlapping defects for the same oxide thickness and defect density.

7.7.1.5 Statistics of Gate Oxide Breakdown

The statistics of gate oxide breakdown are described using the Weibull distri-

bution
T

F(z)=1—exp {— (a)ﬁ] (7.39)

where F' is the cumulative failure probability, = can be either charge or time,
i.e, @pp or tpp, B is called the slope parameter or Weibull shape, the char-
acteristic life « is percentile 63.2. The Weibull shape parameter 3 is experi-
mentally observed to decrease as the oxide thickness is decreased. The failure
distribution becomes wider (smaller ) as the oxide thickness is reduced. This
is because of the fact that the critical defect density Npp reduces as the oxide
thickness is reduced.

7.7.1.6 Soft and Hard Breakdown

The gate oxide breakdown phenomenon is typically classified into soft or hard
depending on the magnitude of the post-breakdown conduction. The hard
breakdown occurs abruptly and is characterized by an abrupt increase in gate
leakage or as sudden collapse in the gate voltage. Hard breakdown provokes
the complete loss of the oxide dielectric properties with gate currents in the
mA range at standard operating voltages. The soft breakdown, on the other
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hand, occurs rather gradually or softly and is observed only as a slight change
in voltage or current, usually accompanied by noise or signal fluctuations.

7.7.2 Hot Carrier Injection (HCI)

The hot carrier effect has already been introduced in Chapter 3 of this text.
This effect also affects the reliability of MOS transistors which is one of the
subject matters of discussion in this chapter.

The hot carrier injection phenomenon refers to the injection of carriers
into the channel or gate insulator produced by impact ionization near the
drain end of the channel creating interface and oxide trap damage [112, 84].
This hot carrier injection phenomenon leads to a long-term reliability prob-
lem, or “aging problem,” where a circuit might degrade or fail after being in
use for some time. The degradation may be attributed to increase of thresh-
old voltage, reduction of carrier mobility, which in turn leads to lowering of
drain current, transconductance, and switching speed [125]. As holes are much
“cooler” than electrons, hot carrier effects in n-channel MOS transistors are
found to be more significant than in p-channel MOS transistors. The degra-
dation occurs by two mechanisms: (i) charge trapping in the oxide and (ii)
generation of interface traps. Experimental results have suggested that of the
two mechanisms, interface trap generation is the most important.

7.7.3 Negative Bias Temperature Instability (NBTI)

NBTT refers to the threshold voltage instability in p-channel transistors that
is dependent on temperature and transistor geometry, particularly the chan-
nel width [112]. NBTT causes an increase in the absolute threshold voltage,
degradation of the mobility, drain current, and transconductance of p-channel
MOS transistors [126]. This process does not require the presence of a high
lateral field and the resulting hot carriers. The mechanism is attributed to the
breaking of SiH bonds at the Si-SiOs interface by a combination of electric
field, temperature, and holes, resulting in dangling bonds or interface traps at
that interface and positive oxide charge.

7.8 Physical Model for MOSFET Degradation Due to
HCI

This section discusses a physical model [84, 125, 54] for computing the number
of generated interface traps due to HCI and the application of the model for
analog circuit design.
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FIGURE 7.27
Schematic illustration of the generation of interface traps due to channel hot
electrons.

7.8.1 Physical Mechanism for Interface Trap Generation

The silicon atom possesses four valence electrons and therefore requires four
bonds to fully complete the valence shell. In the crystalline structure each
silicon atom is attached to its four neighboring atoms, leaving no incomplete
bond behind. However, at the surface of the silicon crystal, atoms are missing
and traps are formed. The incomplete bonds form traps. After oxidation,
the incomplete bonds are attached with oxygen atoms, thereby reducing the
number of traps. The quality of the interface is further improved, i.e., the
number of dangling valence bonds is further reduced by annealing the Si-SiO4
interface in forming gas (N2/Hs) mixture or other nitrogen containing gases
such as ammonia. Atomic hydrogen passivates the silicon dangling bonds at
the Si(111) — SiO3 interface at the room temperature via the reaction Pb +
H° — PbH where PbH represents the hydrogen-passivated dangling bond.
With this treatment the amount of electrically active interface states can
be reduced. However, the Si-H bonds can break at elevated temperatures
and high electric fields due to their lower binding energy and re-activate the
interface states. A hot electron breaks the PbH bond to produce Pb centers
(trivalent silicon atom, i.e., the interface traps) and an interstitial hydrogen
atom. It may be noted that if the resultant trivalent silicon atom recombines
with hydrogen, an interface trap will not be generated. The interface trap will
only be generated if the hydrogen atoms diffuses away from the interface. A
schematic representation of the interface trap generation is shown in Fig. 7.27
[84].
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7.8.1.1 Physical Model

From the lucky electron model concept, the rate of bond breakage is expressed

as
1 i
Rp =K <%) exp <— qu;) (7.40)

where Ipg is the drain current, i.e., the rate of “cold” electron flow, W is the
channel width, so that Ipg/W is proportional to the electron density, K is
proportional to the density of PbH bonds, ¢;; is the critical energy that a hot
electron must have in order to create an interface trap, A is interpreted as the
hot electron mean free path, and &, is the maximum electric field at the drain
end.

The rate of recombination of the trivalent silicon atom with the hydrogen
atom is expressed as

RR = BNith(O) (741)

where ny(0) is the concentration of the interstitial hydrogen atom at the
interface and N;; is the interface trap density.
The net rate of interface traps generation is therefore,

Wi _ i <ID—S) exp (— Pi > — BNyng(0) (7.42)

dt W INem

This is equal to the rate at which the hydrogen atom diffuses away from the

interface. Therefore,
= 7.43
dt Xy ( )
where Dy is the effective diffusion constant and Xy is the effective length of

diffusion of hydrogen. Eliminating n(0) between (7.42) and (7.43), we get

dNy Ips Dit
14+ BNy Xy/Dy)=K | — — 7.44
(4 BN X D) = K (122 e (<22 ) (ran
By integration, the following expression for the interface trap density is ob-
tained. BX ; 5
H 12 DS it
——N;,;+ Ny =Kt | — — 7.45
oo+ Ny = it (2 ) exp (- ) (7.45)

The dynamics of N;; growth is very similar to the oxidation kinetics. If the
interface trap density is small, then the rate is reaction limited and N;; o t. On
the other hand, if the interface trap density is large, then the rate is diffusion
limited and Ny oc t1/2. In general as in the case of thermal oxidation, we have

Niy=C {tID—S exp (— Pt >r (7.46)

w qAEm

with n in the range of 0.5-1. The exact values of ¢;; and n are to be determined
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experimentally. The device lifetime is determined by the time at which the
interface trap density reaches a certain value and is given as [84]

LW Git
T=0C Tns exp (q/\§m> (7.47)

where the constant Cy contains C,n and the chosen N;; value.

7.8.1.2 Application to Analog Circuit Design

It is observed from (7.46) that the interface trap density is approximated by
a t" power law. However, for circuit simulation, it is difficult to evaluate. This
is avoided by expressing N;:(t) to be [54]

where Ny is the initial trap density. Now, from the derived physical model
(7.44) it can be written that

Xp
Vbso — Vbssato ) Ipso
AN;(t) = K €
«(®) 14+ ANy W

(7.49)

where A = BXy /Dy and K are technology dependent parameters. Vpg is
the applied drain voltage and Vpgsqt is the drain-to-source voltage and V¢ is
the voltage proportional to the critical energy ¢;+ required to create interface
traps.

It has been found that the threshold voltage shift AVy is proportional to
AN;; such that [84, 54]

AVir o ANy (1) = Tt (7.50)

where / ”
r— o Ipso o (‘—C) 751
ST Vbso — Vbssato (7:51)

The two unknown parameters in this model are Cj, and V. The values of
these parameters are to be extracted under different stress conditions, i.e., for
different Vpg and Ipg. A routine for extraction of these parameters is detailed
in [54].

The threshold voltage degradation can be directly related to the interface

trap density as

AVip(t) = w

where C,; is the oxide capacitance per unit area and N,; is the number of
oxide traps. The change in channel carrier mobility due to the generation of
interface traps may be represented by [125]

(7.52)

Ho
14+ 60(Vas — Vr)(1 4+ ayAVy)

Hs = ( (753)
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FIGURE 7.28
Schematic illustration of the reaction-diffusion model.

where 6 and « are process dependent parameters. The value of v depends
on Vpg. The value of v is close to zero when the transistor remains in the
saturation region and is equal to unity when the transistor remains in the
linear region. The degradation of the output conductance can be expressed as
a change in the early voltage parameter due to threshold voltage shift.

The bias conditions that are being applied for reliability testing of a device
may be identical to that in normal operating conditions or can be an “over-
stress” state, for example, by using a higher value of the supply voltage. The
device is operated with the applied stresses for an extended period of time
with the chosen performance parameters being continuously monitored. The
stress test continues until the failure criterion is reached. The time 7 to reach
failure is called the hot-carrier-device lifetime or simply the MOS lifetime.
The devices are designed so that they operate reliably for 10 years under nor-
mal operating conditions. However, for testing purposes the procedure cannot
continue for 10 years. Therefore, the stress test is often accelerated so that
the lifetime 7 can be determined in a reasonable time. One possible approach
may be to carry out the test procedure under overstress conditions so that the
monitor quantity (e.g., Isup) is high and therefore, 7 is short. The lifetime 7
and g, are related through a power-law function of the general form

7~ K, (ﬂ) (7.54)
Ips

where K7 and m are determined empirically. Some typical values are m =
3; K1 = 3. The MOS lifetime 7 are first measured at several high biases and
the measured values are then extrapolated using (7.54) to predict 7 under
normal operating conditions.
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7.9 Reaction-Diffusion Model for NBTI

Various NBTI models have been proposed. Some excellent review papers on
this topic are [4, 177, 168]. The reaction-diffusion (RD) model is the most
prevalent. The model assumes that when a gate voltage is applied, it initiates
a field dependent reaction at the Si — SiOs interface that generates interface
traps by breaking the passivated Si — H bonds. Prior to this dissociation
inversion layer holes are captured by the Si—H covalent bonds which make the
bonds weak. Therefore, the existing Si — H covalent bonds are easily broken
at high temperatures. The hydrogen atoms are thus released in the reaction
phase. In the diffusion phase, the released hydrogen atoms diffuse away from
the interface, leaving behind positively charged interface states. These states
are responsible for higher threshold voltage and lower transconductance. The
process is schematically explained in Fig. 7.28 [4].
The R-D model is described by the following equations

dN;
dtt = kp(No— Ni) —kgrNuNy (x=0)  (7.55)
= Dy (=2 9— 1 .
— H<dx>+5/ S (0<z <o) (7.56)
>Ny dNy
D = =z tox .
H(d:ﬁ) 7 (0 <z <toy) (7.57)
dN
P <d—:cH) — kN (.tos) (7.58)

where x = 0 denotes the Si-SiOs interface, t,. is the oxide thickness, N;; is
the number of interface traps at any given instant, Ny is the initial number
of unbroken Si-H bonds, Ny is the hydrogen concentration, kg is the oxide
field dependent forward dissociation rate constant, kr is the annealing rate
constant, Dy is the hydrogen diffusion coefficient, and § is the interface thick-
ness.

7.10 Reliability Simulation for Analog Circuits

In order to reduce the design productivity and design creativity gap, reliabil-
ity analysis is becoming mandatory within the design loop. This leads to the
concept of design for reliability (DFR) which refers to design and verification
methodology employed to assure that the IC performance does not substan-
tially degrade over the anticipated lifetime of the product [112]. In order to
predict the effects of various reliability phenomena on the performance of ana-
log circuits, an equivalent transistor SPICE model can be used. Such a model
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is shown in Fig. 7.29 [124]. Here Ryq and Rgys are the time-varying equiv-
alent gate-to-drain and gate-to-source resistances respectively, which model
the TDDB effects. The effects of bias temperature instability and hot car-
rier effects on the threshold voltage and drain currents are modeled through
additional current sources.

A simplified design flow for simulating the reliability of an analog circuit
is shown in Fig.7.30 [83, 115, 118]. A fresh circuit simulation is done with
the fresh and original device models using a circuit simulator such as SPICE.
Saturation current Ipgsat, the threshold voltage Vi or the transconductance
gm are generally used as degradation monitoring parameters. Normally the
stress time resulting in 10% decrease of one of these degradation monitoring
parameters is arbitrarily set as the device lifetime. Using the currents obtained
from the simulation, other reliability parameters and user defined reliability
models, the AGFE of the device is calculated. The AGE quantity is directly
related to the amount of degradation that takes place. For HCI estimation,
the AGE parameter is defined as [115]

IDS Isub "
AGE = — € 7.59
WH (IDS> ( )

where H is a constant which depends upon the dielectric technology, m is also
technology dependent parameters. The values of these two parameters are
determined from experiments. W is the channel width. With this the Ipgsat
can be written as

IDSsat(t) = IDSsat(t = 0) X [1 — AGE"] (7.60)

Some of the key compact model parameters such as VI'HO, UQ are expressed
as functions of the HCI and NBTT aging. This forms the aged compact model.
An aged SPICE model for each transistor based on its particular degradation
from circuit operation is generated. A second pass of the circuit simulation
then has to be performed in order to obtain the aged characteristics of the
circuit. It is therefore observed that generating the degraded models based
on reliability models and circuit activities are the keys to accurate reliability
simulation.

The design flow shown in Fig. 7.30 is somewhat similar to that used by
the commercial tool of Cadence. The other commercial tool commonly used
for reliability simulation purpose is that of Mentor Graphics.

7.11 Summary and Conclusion

This chapter presents an introductory overview of the two very critical chal-
lenges to nano-scale analog circuit design — the effects of statistical process
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variability and reliability on the performances of nano-scale analog circuits.
The major sources of variations in nanometer scale technology are identified.
The statistical process variations are broadly classified into types — inter-die
and intra-die process variations. The intra-die process variations are becom-
ing very significant in the nano-scale domain. Among the various sources of
variations, the systematic variations are manageable through advanced reso-
lution enhancement techniques. The three major sources of random process
variations are random discrete dopants, line edge roughness, and oxide thick-
ness variations. The importance of process variations on circuit performances
is so significant that a complete paradigm shift in the design methodology is
required. The traditional worst case corner analysis is no longer sufficient to
estimate the various sources of variations. The Monte Carlo simulation tech-
nique, though lengthy and tedious is useful for accurate statistical estimation.
The mismatch of drain currents is discussed in detail and a simple model for
estimating the drain current mismatch is derived.

The three important physical phenomena which critically affect the reli-
ability of nano-scale analog circuits are the time dependent dielectric break-
down, the hot carrier injection effect, and the negative bias temperature in-
stability. These effects have been discussed qualitatively. A simple process for
estimating the reliability of circuits within the design flow is also introduced.
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